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Preface

Much has changed in the power conversion field since the author's
previous book on switching power supply design (Switching and
Linear Power Supply, Power Converter Design, 1978).

The main goal of these changes has been to make the power supply
smaller. As integrated circuits packed more features in a smaller vol-
ume, it became essential also to decrease the size of a system's power
supply. Switching power supply packing density currently ranges
from 2 to 6 load watts per cubic inch (W/in3) as compared to about 1
W/in? a decade ago. Newer resonant converter techniques offer a pos-
sibility of 20 to 40 W/in3.

Higher switching frequencies, made possible by power MOSFET
transistors, newer topologies, and integrated-circuit pulse-width-mod-
ulating chips, which pack more control and supervisory features in a
smaller volume, have contributed to making present-day power sup-
plies smaller. All these new technologies are covered in this book.

It has been the author's experience, in teaching a course on modern
switching power supply design to all levels of engineers from most of
the major American electronics companies, that those who have a
good understanding of the fundamental principles can easily solve
their day-to-day design problems as well as assess and adapt to new
technologies.

Thus, this book covers the new technologies in a tutorial way so
that the reader can understand the fundamental reasons for various
effects. Explanations for various significant waveshapes and explana-
tions for alternative design decisions are given. Care has been taken
to avoid offering "handy-dandy" design equations without showing
how they were derived. All equations that effect a design decision are
derived from fundamental relations.

Magnetics design is emphasized; for, the majority of power supply
designers are primarily circuits-oriented. They appreciate and can
analyze problems when they can see DC voltage levels, voltage spikes,

xvii



xviii Preface

and waveshapes on an oscilloscope. But the locus of operation on a BH
loop cannot be seen on an oscilloscope. Thus, circuits designers too
often shy away from or do not fully understand magnetics design.
They leave that to a magnetics specialist who may not appreciate how
circuits characteristics effect magnetics design decisions. It is hoped
the emphasis on magnetics herein may help correct that problem.

This second edition of the book also includes chapters on the currently
hottest topics in the field: power factor correction, high-frequency bal-
lasts for fluorescent lamps, and low-input voltage supplies for laptop
computers.

Throughout this text and throughout the literature, idealized volt-
age-current waveforms are often shown. But I feel it is very valuable
from a tutorial viewpoint to view actual Polaroid waveforms taken at
critical points on working circuits. Seeing an actual photographed
waveform with its spikes, rings, and oddities conveys a great deal
more information and confidence about a circuit than does an ideal-
ized, hand-drawn waveform. Such photographed waveforms are pre-
sented at critical points at various frequencies on some of the most
commonly used topologies.

This book is directed primarily to design engineers and engineering
students at the undergraduate and graduate level. It may also be of
significant value to people who are not directly involved in start-from-
scratch designs, and whose main interest is power supply design
analysis, design review, test, and debugging.

The material contained herein is a consolidation and, hopefully, a
simpler, clearer explanation and logical reorganization of the high-
points of all the proven and practical aspects of modern switching
power supply technology. As such, credit for the material belongs to
the innumerable engineers, designers in industry, and universities
that have brought switching power supply technology to its present
advanced state.

Abraham I. Pressman
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Chapter

Fundamental Switching
Regulators—Buck, Boost, and
Inverter Topologies

1.1 Introduction

There are about 14 basic topologies (basic block diagrams) commonly
used to implement a switching power supply. Each topology has
unique properties which make it best suited for certain applications.

Some are best used for AC/DC off-line converters at low (<200 W)
output power, some at higher output power. Some are a better choice
for high AC input voltages (=220 V AC); some are better for an AC
input of 120 V or less. Some have advantages for higher DC output
voltages (> ~ 200 V) or in applications where there are more than
four or five different output voltages. Some have a lower parts count
than do others for the same output power or offer a better tradeoff in
parts count versus reliability. Lesser input or output ripple and noise
is a frequent factor in a topology selection.

Similarly, some topologies are better used for DC/DC converters—
again with high and low output power, high or low output voltages,
and minimum parts count as significant selection criteria. Further,
some topologies have inherent design drawbacks which require addi-
tional circuitry or more complex circuitry, not completely analyzable
in various worst-case situations.

Thus to make the best choice of a topology, it is essential to be fa-
miliar with the merits, drawbacks, and areas of usage of all topolo-
gies. A poor choice of a topology can doom a new power supply design
at the very outset.

In this chapter, the schematics of the fundamental and earliest to-
pologies—the buck, boost, and polarity inverter—are described. Their
basic operation is described; critical waveforms are shown and ex-

3



4  Topologies

plained; and merits, drawbacks, and application areas are discussed.
Peak transistor current and voltage stresses versus output power and
input voltage and their tolerances are discussed. The dependence of
input current on output power and input voltage is shown. Efficiency
and DC and AC switching losses are discussed.

To show the origin and need for switching regulators, the discussion
starts with what preceded them—1linear or series-pass regulators.

1.2 Linear Regulators—Switching
Regulator Ancestors

1.2.1 Basic operation—merits and drawbacks

The basic circuit is shown in Fig. lla. It consists of an electrically
variable resistance in the form of a transistor (operating in the linear
mode) in series with the output load. An error amplifier senses the DC
output voltage via a sampling resistor network K1, R2 and compares it
with a reference voltage V... The error amplifier output voltage drives
the base of the series-pass power transistor via a current amplifier.

The phasing is such that if the DC output voltage goes up (as a re-
sult of either an increase in input voltage or a decrease in output load

Series pass
Tt Q1

T T

VOC f VdC

IH——

Vref

! Current omplifier

(a)

ref \ /\ verage inp
\ I \]/\\7/\\/ \ A ge Vge input

V, Minimum headroom
[

(b

Figure 1.1 (a) Linear regulator @1 in series with output load is an electrically vari-
able resistance. The negative-feedback loop alters its resistance to keep V, constant.
(b) Headroom in linear regulator. With an NPN series pass transistor, a minimum
input-output differential or headroom of 2.5 V between V, and the bottom of the input
ripple triangle must exist at minimum V,,, input.
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current), the base of the series-pass transistor (assuming an NPN
transistor) goes down. This increases the resistance of the series-pass
element and hence brings the output voltage back down so that sam-
pled output equals the reference voltage. This negative-feedback loop
works in a similar fashion for decreases in output voltage due to a
drop in input voltage or an increase in output load current. In that
case, the error output voltage moves the series-pass base slightly more
positive, decreases its collector-to-emitter resistance, and raises the DC
output voltage so that the sampled output again equals the reference.

Essentially, any change in input voltage—due to either AC input line
voltage ripple, steady-state changes in the input over its tolerance band,
or dynamic changes resulting from rapid load changes—is absorbed
across the series-pass element leaving the output voltage constant to an
extent determined by the gain in the open-loop feedback amplifier.

The feedback loop is entirely DC-coupled. There are no elements
switching on and off and within the loop; all DC voltage levels are pre-
dictable and calculable. There are no transformers within the loop and
no fast-rise-time voltage or current spikes to cause RFI noise output.
With no transistors switching on and off, there are no AC switching
losses due to momentary overlap of falling current and rising voltage
across the transistors. All power losses are due to DC currents in and DC
voltages across the various elements, and these are easily calculable.

1.2.2 Linear regulator drawbacks

This simple, DC-coupled series pass regulator was the basis for a
multi-billion-dollar power supply industry until the early 1960s or so.
It could produce only lower voltage from a higher one; its output volt-
age always had one end DC common with the input voltage, yet fre-
quently DC isolation between input and output was required.

The raw DC input voltage (V. in Fig.1.1a) was usually derived
from the rectified secondary of a 60-Hz transformer whose weight and
volume was often a serious system constraint.

1.2.3 Power dissipation in the
series-pass transistor

The major drawback of a linear regulator is mainly the excessive dis-
sipation in the series-pass element. Since all the load current must
pass through the pass transistor, its dissipation is (V4 = V,){,). The
minimum differential (V,, — V), which is often referred to as “head-
room,” in most cases is 2.5 V for NPN pass transistors.

Now when the raw DC input comes from the rectified secondary of a
60-Hz transformer, the secondary turns can always be chosen so that
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the rectified secondary voltage is V,, + 2.5 V (assume for the moment
that the filter capacitor is large enough to yield insignificant ripple)
when the input AC is at its low tolerance limit. But when the input
AC voltage is at its high tolerance limit, the headroom will be much
greater, series-pass element dissipation will be greater, and the power
supply efficiency will be significantly lower. This effect of very poor
efficiency at high tolerance limit input voltage when the raw DC in-
put has been chosen for a minimum 2.5 V headroom at lowest DC in-
put is much more pronounced at lower output voltages.

This can be seen dramatically in the following three examples of
linear regulators: the first with an output of 5 V at 10 A, the second
with an output of 15 V at 10 A, and a third at 30 V at 10 A.

Assume a large secondary filter capacitor so that ripple input to the
regulator is negligible. The rectified secondary voltage DC voltage tol-
erances will be identical to the AC input tolerances, which are as-
sumed to be +15 percent. The transformer secondary voltages will be
chosen to yield V, + 2.5 V when the AC input is at its low tolerance
limit of —~15 percent. Then the maximum DC input is 1.30 (V, + 2.5)
V when the AC input is at its maximum tolerance limit of +15 per-
cent. Thus

Head- Effi-

room, Dissi- ciency,

Vdc(min)’ Vdc(max)l max, Pin(max)v Po(nulx)f pation % Po/

Vvu Iw A v v v W W leax Pin(nmx)

5.0 10 7.5 9.75 4.75 97.5 50.0 47.5 51.25
15.0 10 17.5 22.8 7.75 228 150 78.0 65.9
30.0 10 32.5 42.25 12.25 423 300 123 71.0

It thus can be seen that at higher DC output voltages, the efficiency
is significantly higher than at lower voltages. When realistic input
line ripple voltages are assumed, efficiency for 5-V output for input
line tolerances of =15 percent are in the range 32 to 35 percent.

1.2.4 Linear regulator efficiency versus
output voitage

When ripple is taken into account, the minimum headroom of 2.5 V
must be guaranteed at the bottom of the ripple triangle at the low tol-
erance limit of the input AC voltage as shown in Fig. 1.16. Regulator
efficiency is then calculated as follows for various assumed input AC
tolerances and output voltages.

Assume an input voltage tolerance of +T percent about its nominal.
Transformer secondary turns will be selected so that the voltage at
the bottom of the ripple triangle will be 2.5 V above the desired output
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voltage (2.5 V minimum headroom) when the AC input is at its low
tolerance limit. For a peak-to-peak ripple voltage of V, volts, the
average or DC voltage at the input to the pass transistor is
(V, + 2.5 + V,/2) volts when the input AC is at its low tolerance limit
as can be seen in Fig. 1.15. But when the AC input is at its high tol-
erance limit, the DC voltage at the input to the series-pass element is
1+ 0.01T
L= 5+V,
Vdc(mam) 1 _ O‘OlT (VD + 2 5 ‘71/2)

The maximum achievable efficiency, which occurs at maximum in-

put voltage and hence maximum input power, is

Effici P, Vi, v 1.1

lclencymax - Pin(max) - Vdc(max) Io - Vdc(max) ( . )

_1-0.01T £ (1.2)
1+0.01T\V, + 25 + V,/2 |

This is plotted in Fig. 1.2 for an assumed peak-to-peak (p/p) ripple
voltage of 8 V (it will later be shown that in a 60-Hz full-wave recti-

10]
/_I +*5%

80 "1
1+ 10%
/ //-——""
70 T +15%
/“'————-

e
L
50|
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Efficiency, %
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0
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Qutput voltage, V

Figure 1.2 Linear regulator efficiency versus output voltage. Minimum effi-
ciency at maximum V. input assuming 2.5 V headroom at bottom of ripple
triangle at minimum V,_ input. Assumes 8 V peak-to-peak ripple at top of fil-
ter capacitor. (From Egq. 1.2)
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fier, the p/p ripple voltage is 8 V if the filter capacitor is chosen at the
rate of 1000 microfarads per ampere of DC load current).

It can be seen in Fig. 1.2 that even for 10-V outputs, efficiency is
under 50 percent for reasonable AC line tolerance of =10 percent. It is
this poor efficiency and the weight and size of the 60-Hz input trans-
former which led to the revolution of switching power supplies.

Nevertheless, if a preregulated (to =5 percent or so) raw DC input is
available (as frequently is the case in some of the later configurations
to be shown), a linear regulator is a reasonable choice if still better
regulation is required. Complete integrated-circuit linear regulators
are available up to 1.5 A output in single plastic packages at prices in
the 50¢ range. They are also available at 3 to 5 A in metal-case
integrated-circuit packages at higher prices, but the dissipation across
the internal series-pass transistor becomes a serious problem, espe-
cially at the 5-A output level and higher.

1.2.5 Linear regulators with PNP series-pass
transistors for lesser required headroom

Linear regulators using PNP transistors as the series-pass element
can operate with a minimum headroom down to 1 or even 0.5 V and
hence achieve better efficiency. The reason for this can be seen in Fig.
1.3.

With an NPN series-pass element as in Fig. 1.3a, base current must
be inward directed and hence must come from some point at a poten-
tial higher than V, + V,, or roughly (V, + 1) volts. If the base drive
comes through a resistor, the input end of that resistor must come
from a point higher than V, + 1 to force current through it. The least
expensive scheme is to supply the base current resistor from the same
point which feeds the series-pass collector, i.e., the raw DC input.

However, now the raw DC input—the bottom of the ripple triangle
at low input tolerance—cannot be permitted to come too close to
V, + 1 V—nominally the base input voltage. For then, the base resis-
tor R, would have to be very small to allow sufficient base current at
high output current. Then at high input tolerance, when V4. - V, is
much greater, R, would deliver an excessive current to the base and a
significant amount would have to be diverted away into the current
amplifier, adding to its dissipation.

It is this effect which dictates that the minimum voltage at the bot-
tom of the ripple triangle not be required to come to less than 2.5V at
minimum input tolerance, i.e., 2.5-V minimum headroom. It renders
R, more of a constant-current resistor and results in relatively con-
stant current through R, over the range of input voltage tolerances.

With a PNP series-pass transistor (as in Fig. 1.3b), however, this
problem does not exist. For drive current is outward-directed (sinked)
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Figure 1.3 (a) Linear regulator with an NPN series
pass transistor. If base drive is taken from V, via a
resistor R,, 8 minimum voltage or headroom must
exist across R, to supply inward-directed base cur-
rent at the bottom of the input ripple triangle. (b)
Linear regulator with a PNP series pass transistor.
With a PNP series pass transistor, the required
base current does not come from Vy, but flows out-
ward from the base to the current amplifier; V. is
no longer restricted to a minimum of 2.5 V above
V,. Headroom of 1.0 to 0.5 V is possible.

from the base and is supplied from the current amplifier, Nothing dic-
tates how close V. may get to V, except the knee of the I, versus V_,
characteristic of the pass transistor. Minimum headroom with a PNP
pass transistor thus can be as low as 1.0 or 0.5 V and low dissipation
and higher efficiency results.

Integrated-circuit linear regulators with PNP for transistors are
now available but are considerably more expensive. In the fabrication
technique of integrated circuits, it is more difficult to make a high-
current PNP transistor on the same chip as the lower-current NPN
control transistors.

1.3 “Buck” Switching Regulator Topology
1.3.1 Basic operation

The high dissipation across the series-pass transistor in a linear reg-
ulator made the use of the linear regulator prohibitive for output cur-
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rents over 5 A or so. The high dissipation required large-volume heat
sinks. This and the large volume and weight of the input 60-Hz trans-
former rendered the power supply disproportionately large as inte-
grated circuits made the rest of an electronic system smaller. Linear
regulators, with their large input transformer and heat sinks, could
achieve output load power densities of only 0.2 to 0.3 W/in®, and this
was not good enough for the smaller systems made possible by inte-
grated circuits.

Alternatives to linear regulators started being widely used in the
early 1960s. These so-called switching regulators used a fast-
operating transistor switch to switch a DC input voltage through to
the output at an adjustable duty cycle. By varying the duty cycle, the
average DC voltage delivered to the output could be controlled. Such
“average” voltage consisted of rectangular voltage pulses of adjustable
width whose average value was the required DC output voltage (Fig.
1.4b6).

With the use of appropriately chosen LC filters, however, the
square-wave modulation could be eliminated and ripple-free DC volt-
ages equal to the average of the duty-cycle-modulated raw DC input
resulted. By sensing the DC output and controlling the switch duty
cycle in a negative-feedback loop, the DC output could be regulated
against input line and output load changes.

Such switching regulators are currently achieving 1 to 4 load watts
per cubic inch and are capable of generating a multiplicity of output
voltages from a single input—all DC isolated from the input. They re-
quire no input 50/60-Hz power transformers. Some DC/DC converter
designers are claiming load power densities of 40 to 50 W/in®.

The earliest of these switching regulators, the “buck” regulator,
is shown in Fig. 1.4. There, a single-pole single-throw switch in the
form of a transistor @1, is in series with the DC input V. It is
closed for a time T, out of the switching period 7. When it is on,
the voltage at V1 is V., (assuming for the moment the “on” drop
across @1 is zero). When it is open, the voltage at V1 falls very rap-
idly to ground and would have gone dangerously negative had it not
been caught and held at ground by the so-called free-wheeling or
clamp diode D1.

Assume for the moment that the “on” drop of diode D1 is zero also.
Then the voltage at V1 (Fig. 1.40) is rectangular, ranging between V,
and ground with a “high” time of T',,. The average or DC value of this
voltage is V. 1',./T. The L C, filter is added in series between V1 and
V, and yields a clean, ripple-free DC voltage at V, whose magnitude is
VdcTon/T'

Now V, is sensed by sampling resistors R1, B2 and compared to a
reference voltage V.. in the error amplifier (EA). The amplified DC
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Figure 1.4 Buck switching regulator and critical waveforms.

error voltage V,, is fed to a pulse-width-modulator (PWM) which is
essentially a voltage comparator. Another input to the PWM is a
sawtooth (Fig. 1.4a) of period T and usually 3 V in amplitude (V,). The
PWM voltage comparator generates a rectangular waveform (V,,
Fig. 1.4¢) which goes high at the start of the triangle and low at the
instant the triangle crosses the DC voltage level of the error-amplifier
output. The PWM output pulse width T, is thus proportional to the
EA amplifier output DC voltage level.
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The PWM output pulse is fed to a current amplifier and used to con-
trol the “on” time of switch transistor @1 in a negative-feedback loop.
The phasing is such that if V, goes slightly high, the EA DC level goes
closer to the bottom of the PWM triangle, the triangle crosses the EA
output level earlier in time and the @1 on time decreases, bringing
V ( =V, T /T) back down. Similarly, if V,, goes low by a certain per-
centage, the on time increases by the same percentage to maintain V,
constant. The @1 on time is controlled so as to make the sampled out-
put VR/(R, + R,) always equal to the reference voltage V,

ref*

1.3.2 Significant current waveforms in
buck regulator

The major advantage of the buck regulator is its low internal losses
and high efficiency. It is necessary to understand the waveshape and
magnitude of the currents throughout the circuit to permit calculating
efficiency and some of the subtleties of its operation.

When @1 is on, assuming for the moment zero drop across it, there
is a constant voltage (V4. — V) across L,. With a constant voltage
across an inductor L, current in it rises linearly at a rate given by
dIdT = (Vy, = V,)/L,. This accounts for the ramp which sits on a step
in Fig. 1.4d. Now it is not possible to change the current in an induec-
tor instantaneously. Thus when @1 turns off, the voltage polarity
across L, immediately reverses trying to maintain the same current I,
which had been flowing just prior to turnoff. This polarity reversal is
the so-called inductive kick. If not for diode D1, V| would have gone
very far negative in an attempt to maintain L, current in the same
direction. But diode D1 latches in and holds the front end of L, at one
diode drop or about 1 V below ground.

Now the same current [, which had been flowing in @1 just prior to
turnoff is picked up and flows through diode D1 (Fig. 1.4e). But now
the voltage polarity across L, has reversed and its magnitude is
(V, + 1). The current in L, then ramps down linearly at a rate given
by dI/dT = (V, + 1)/L,. This is the downward-going ramp which sits
on a step in Fig. 1.4e. At the end of the @1 off time, the L, current has
fallen to I, and is still flowing through D1. Now @1 turns on again and
starts supplying current into the cathode of D1, displacing its forward
current. When @1 current has risen to I,, all the forward D1 current
has been displaced and V; rises to within about 1 V below V. back-
biasing D1.

The current in L, is then the sum of the @1 current when it is on
(Fig. 1.4d) and the D1 current when @1 is off. This is the current
IL)in Fig. 1.4/ It is seen to ramp an amount (I, — I;) around the DC
output current I,. Thus the value of the current at the center of the
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ramp in Fig. 1.4d and 1.4e is simply the DC output current I,. As the
DC output current I, is varied, the center of the ramps in either Fig.
1.4d or e moves, but the slope of the ramps remain parallel to their
original value. During the @1 on time the ramp rate in L, is still
(Ve — V,)IL,, and during the @1 off time it is (V, + 1)/L,.

It will be seen shortly that when the DC current I, is reduced to the
point where I; in Fig. 1.4d and 1.4e just reaches zero, a drastic change
occurs; but this will be discussed shortly.

1.3.3 Buck regulator efficiency neglecting
AC switching losses

With the currents in the switch transistor @1 and free-wheeling diode
D1 (Fig. 1.4d and 1.4e), losses and efficiency can be calculated. If the
preceding currents flowed through @1 and D1 at zero voltage drop, to-
tal losses would be zero and efficiency would be 100 percent. When @1
is off, it operates at a maximum voltage of V,, but at zero current and
hence dissipates no power. When @1 is on, D1 operates at a reverse
voltage of V. and draws negligible current and also dissipates no
power.

Thus the only losses in the circuit are the DC conduction losses in
1 and D1 plus the AC switching losses in @1. There is an AC switch-
ing loss in @1 during the turnon transition as a result of the momen-
tary overlap of rising current and falling voltage across it. Also at the
turnoff transition, there is an AC switching loss in @1 due to the mo-
mentary overlap of falling current and rising voltage across it.

It can be seen in Fig. 1.4d and 1.4e that the average currents in @1
and D1 during their conduction times of T',,, and T 4 are the values at
the center of the ramps or I,, the DC output current. These currents
flow at a forward voltage of about 1 V over a very large range of cur-
rents. Thus conduction losses are

P, = L(Q1 LD1—11T°” 1 Tor _
de — (Q)+( )'— 0T+ OT—

Thus if AC switching losses could be neglected, efficiency would be

11,

R V.1, v,
e = b i losses VI + 11, V, + 1

(1.3)

1.3.4 Buck regulator efficiency including
AC switching losses

Alternating-current switching or voltage/current overlap loss calcula-
tions depend on the scenario assumed in the relative timing and
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slopes of the rising current and falling voltage. A best-case scenario—
which rarely exists in actual cases—is shown in Fig. 1.5a.

Here in the best-case scenario, at turnon, voltage and current start
moving simultaneously and reach their endpoints simultaneously.
Current goes from 0 to I, and voltage across @1 goes from a maximum
of V4. to zero. The average power during this switching time is
P(T,) = f{~IV dt = I,V,,/6 and the power averaged over one com-
plete period is (I, V4. /6)(T,,/T).

Assuming the same scenario of simultaneous starting and ending
points of the current fall and voltage rise waveforms at the turnoff
transition, voltage/current overlap dissipation at this transition is
given by P(T ) = ["IV dt = 1,V,./6, and this power averaged over
one complete cycle is (I, Va4 /6)(T o/ T).

Turnoff Vae
______ 10
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Figure 1.5 (a) Transistor switching—best-case scenario. Voltage and current transi-
tions start and end simultaneously. (b) Transistor switching-—worst-case scenario. At
turnon, voltage remains constant at V. max, Until current reaches its maximum. At
turnoff, current remains constant at I, until @1 voltage reaches its maximum of V.
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Assuming T, = T\ = T, total switching losses (the sum of turnoff
and turnon losses) are P, = (V4 1,7,)/3T and efficiency is

- . PO
Efficiency = P, + DC losses + AC losses

V.1,
VI, + 11, + V, I,T,/3T

(1.4)

— Vo
TV, + 14+ V,T./8T

It is of interest to calculate the efficiency of a buck regulator and
compare it to that of a linear regulator. Assume bucking down from 48
to 5V, 50-kHz switching frequency (T = 20 ps).

If there were no AC switching losses and a switching time 7', of 0.3
s were assumed, Eq. 1.3 would give

Efficiency = —5—-_5;—1 = 83.3%

If switching losses and the best-case scenario as shown in Fig. 1.5a
were assumed, Eq. 1.4 would give for T, = 0.3 ps and 7' = 20 us:

Tl . 5
Efficiency = =1 e 0.3/3 % 20
5+1+024 5+1.24

= 80.1%

If a worst-case scenario—as shown in Fig. 1.56, which is closer to
reality—is assumed, efficiencies are lower. In Fig. 1.5b, it is assumed
that at turnon, the voltage across the transistor remains at its maxi-
mum value (V) until the on-turning current reaches its maximum
value of I,. Then voltage starts falling, and to a close approximation,
current rise time T, will equal voltage fall time. Turnon switching
losses will then be

Vcho Tcr n Ionq va

2 T 2 T
and for T, = Ty = T, P(T,,) = V3 I T,/

At turnoff as seen in Fig. 1.5b, it is assumed that current hangs on
at its maximum value I, until the voltage has risen to its maximum
value of Vi, in a time T',,,. Then current starts falling and reaches zero
in a time T Total turnoff dissipation is then

P(T,,) =
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T _ Iquc Tvr Vcho ch
( Off) - 2 T + 9 T

and for T, = Ty = Ty, P(Toe) = Va I(T/T). Total AC losses (the sum
of turnon plus turnoff losses) are then

P - 2 de Iu 1 5
ac L . T ( . )
,Fotal IOSSQS (the sum Of DC plus AC IOSSGS) are

s

P, = Py + Poo = 1L, + 2Vill, 7 (1.6)
and efficiency is
Effici P, V.1,
WY = p 4P, " V.1, + 11, + 2V, I T,T
v,
(1.7)

TV, +1+ 2V, T.T

For the same 50-kHz, 48- to 5-V buck regulator as above with
T, = 0.3 us, efficiency from Eq. 1.7 is

Efficiency = 5 = 5
5+1+2x48 x03/20 5+ 1+ 1.44
5
"5+ 244
= 67.2%

If a linear regulator were used to bring 48 V down to 5 V, its effi-
ciency which is V,/Vy a0, Would be unacceptably lower at 5/48 =
10.4 percent (from Eq. 1.1).

1.3.5 Optimum switching frequency in
buck regulator

The output voltage of the buck regulator is V, = V. T,./T indepen-
dent of whatever the period T is. The question arises as to whether
there is an optimum period and on what basis the period is selected.
At first thought it might seem best to minimize the size of the filter
components L,, C, by going to as high a frequency as possible.
However, going to higher frequencies does not necessarily minimize
the overall size of the regulator when all factors are considered. This
can be appreciated by examining the expression for the AC losses in
the circuit seen in Eq. 1.5, where the AC losses are inversely propor-
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tional to the switching period T. Decreasing T' results in increased
losses and possibly necessitates the use of a larger-volume heat sink to
keep the switching transistor temperature within desired limits.

Further, Eq. 1.5 gives losses in the switching transistor alone and
neglects losses in the free-wheeling diode D1 due to its finite reverse
recovery time. This time is the time required for the diode to cease
drawing reverse leakage current measured from the instant it has
been subjected to reverse voltage. Free-wheeling diodes as D1 should
be specified as ultra-fast recovery types which have recovery times as
low as 35 to 50 ns. But even such types can dissipate significant power
which is inversely proportional to the switching period. Thus increas-
ing switching frequency (decreasing switching period) does decrease
size of the filter elements L ,C, but adds to the total losses and contrib-
utes to the requirement for a larger heat sink.

In general, then, between 25 and 50 kHz, overall volume of the buck
regulator is lower at a higher frequency. But going to frequencies
above 50 kHz offers only marginal advantages because of the in-
creased AC switching losses and possibly larger heat sink.

1.3.6 Design relations—output filter
inductor selection

Current waveform of the output inductor is shown in Fig. 1.4d and its
characteristic “ramp-on-a-step” shape is defined in Sec. 1.3.2, where it
was noted that the current at the center of the ramp is equal to the DC
output current I,. As the DC output current decreases, the slope of the
ramp remains constant as the voltage across L, remains constant. But
the current at the center of the ramp decreases. At a DC current of
I, = (I, - I))/2 or half the magnitude of the ramp slope dI, the front
end of the ramp reaches zero. At this point, the inductor is said to “run
dry” or enter into the “discontinuous” operating mode and a drastic
change occurs in the current and voltage waveforms.

The effect of operation in the discontinuous mode can be seen in Fig.
1.6a. These are the inductor or switch transistor on time current
waveforms of a 20- to 5-V buck regulator operating at 25 kHz designed
for a nominal output current of 5 A and a minimum current of 1 A
The top two waveforms have the characteristic ramp-on-a-step
waveshape with the step smaller in amplitude at the lower current
and the DC current level at the center of the ramp very closely equal
to the DC output current.

In the third waveform in Fig. 1.6a at [, = 0.95 A, the step has just
disappeared and the front end of the ramp starts at zero current. This
is the start of the discontinuous or “run-dry” mode for the inductor. It
can be seen in the first three waveforms, the @1 on time is constant
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lge = 419 A,
lge = 2.31 A
¢ — lgc=095A.

o lge =049 A
L 14, =020A

Note step at start of ramp

Note smaller step at start of ramp
Note no step; Lg has run dry

Note much lower on time

Note still lower on time

(1) Emitter Q1=+20 Vv, 10 us/cm

(2) Q1) =2 A, 10 ps/cm; |y~ 4.4 A

(3) Q1) =2 A, 10 ws/cm; 1y, = 2.30 A

(4) Q1) ~2 A, 10 usicm; 14, —0.95 A

(1) Emitter Q1= 10V, 10 us/cm

(2) Q1) -2 A, 10 psicm;

(3) lpy=2A, 10 ps/cm

Figure 1.6 A 25-kHz buck regulator, showing the effect of the output inductor L, run-
ning dry or moving from the continuous mode to the discontinuous mode. In panel (a),
note that on time remains constant only so long as inductor is in the continuous mode.
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but decreases drastically after operation has become discontinuous.
Yet the DC output voltage remains constant to within 5 mV even after
the inductor has gone discontinuous.

It would seem then that there is no drawback in permitting the in-
ductor to go discontinuous. There actually is no drawback for a buck
regulator. Up to the start of the discontinuous mode, the DC output
voltage is given by V, = V,T . /T. The on time decreases just a very
small amount as I, decreases because the forward drop across @1 de-
creases slightly with decreasing current. This increases V1 slightly,
requiring a small decrease in T',,.

After going into the discontinucus mode, however, the relation
V,=VT./T no longer holds, as can be seen in the bottom two
waveforms of Fig. 1.6a, where the @1 on time has markedly decreased
and depends mainly DC output current. Before the start of the discon-
tinuous mode, the circuit coped with DC output current changes by
changing the amplitude of the step part of the ramp-on-step
waveforms in the @1 and D1 waveforms of Figs. 1.4d and 1.4e. It could
do this at relatively constant @1 on time.

Now the average of the sum of the @1 and D1 currents [Fig. 1.6¢(2)
and 1.6¢(3)] is the DC output current. Once the inductor has gone dis-
continuous and the step part of the latter waveforms has gone to zero,
the only way the average of their sum can decrease further is to de-
crease the @1 on time. The negative-feedback loop automatically sets
the @1 on time so that the average of the sum of @1 and D1 currents
is equal to the DC output current at the correct output voltage as fixed
by the error amplifier, the sampling resistors, and the reference volt-
age of Fig. 1.4,

The loss of the step in the @1 and D1 currents between nominal and
the start of the discontinuous mode can be seen more clearly in Fig.
1.7a,b. When the inductor has gone discontinuous, the D1 current has
fallen to zero before the next @1 turn on as seen in Fig. 1.76(2). This
causes a decaying “ring” at the @1 emitter at a frequency determined
by L, and the capacitance looking into the D1 cathode and @1 emitter
[Fig. 1.76(1)]. This causes no problem; the @1 on time simply is read-
justed by the feedback loop so that the average voltage at the emitter
of @1 is equal to the commanded DC output voltage. The ring in Fig.
1.7b(1) is no problem; it is easily eliminated by the L C, filter.

So though operating in the discontinuous mode is no problem in the
buck regulator, it is in later topologies with buck-type output L,C, fil-
ters. Hence in all such output filters, the inductor will be chosen so
that it does not go discontinuous until the DC output current falls to
its specified minimum value, which in most cases is one-tenth the
nominal value or 0.1 (I,). Since the onset of the discontinuous mode
occurs at a DC current equal to half the amplitude of the inductor cur-
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(1) Emitter Q1 = 10 V, 10ps/cm

(2) gy = 1A, 10 ps/cm
Note LO has just barely gone discontinuous
as evidenced by D1 current just falling to
zero at instant of next turn-on; lge = 1.0 A

(1) Emitter Q1 = 10V, 10 ps/cm
Note ringing at instant inductor current has
fallen to zero; despite ringing, feedback loop
corrects main on time and supply still
regulates

(2) lpy = 1A, 10 ps/cm
Inductor has gone discontinuous or fallen to
zero current before next turn-on; this occurs
because DC current is less than half the
peak-to-peak ramp amplitude in the photo;

lee = 0.45 A
L
+20V @ N Vo
77 uH +5V
Q2
2000 pF

Figure 1.7 A 25-kHz buck regulator, showing @1 emitter waveforms for the case of L, at
the brink of going into the discontinuous mode and also beyond that point.

rent ramp [, - I}) of Fig. 1.4d], then I . ;,, = 0.1, = U5 - I)/2 or
Uy, -1)=dl =02, But dI, the slope ramp amplitude, is
dl =V, T, /L =V, - V)T, /L, where V| is voltage at the input end
of I, and is very closely equal to V.. Then

(Vdc - Va)Tnn (Vdc - Vo)Tan
L = =
dl 0.21,,
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But T, = V,T/Vy.; then

I = 5(Vdcn - Vo)VoT
- Vdcnlon

where V., and I, are their nominal values.

Thus if L is selected from Eq. 1.8, (I, - I,) = 0.2, and I, is the in-
ductor current at the center of the ramp at nominal DC output cur-
rent, the inductor current swings *10 percent around its value at the
center. If the inductor remains constant in value up to I, = 1.11__, the
ramp will be linear. Thus the inductor must be designed so that it does
not saturate or significantly saturate at DC current bias of 1.11,,.

Such inductors, which remain relatively constant in value under
DC bias conditions, can be built with gapped ferrite cores or powdered
iron or powdered Permalloy (a magnetic alloy of nickel and iron). Such
powdered cores have an effective distributed air gap as they are made
from a sludge of powdered magnetic particles embedded in a resin
which forms the uniformly distributed air gap. Design of such induc-
tors will be discussed in a later chapter.

The inductor selected from Eq. 1.8 can tolerate higher DC output
currents than the specified I, if it is designed not to saturate at these
higher currents. The only restriction on maximum current in the buck
regulator is the increased DC and AC losses given by Eq. 1.6. The
minimum current restriction on the inductor chosen from Eq. 1.8 is
that below I, it will go discontinuous and load regulation will slightly
degrade.

If the inductor is chosen half the value given by Eq. 1.8, it will go
discontinuous at one-fifth rather than one-tenth the nominal DC out-
put current. This will slightly degrade the load regulation commenc-
ing at the higher minimum current. But since it is a smaller inductor,
the buck regulator will respond more quickly and with a smaller tran-
sient output spike to dynamic load changes.

(1.8)

1.3.7 Design relations—output filter
capacitor selection

The filter capacitor of Fig. 1.4 is chosen to meet the output ripple spec-
ifications. It is not an ideal capacitor, as shown in the figure. It has a
resistance K, and inductance L, in series with it as shown in Fig. 1.8.
These are referred to as the equivalent series resistance (ESR) and
equivalent series inductance or (ESL). Below about 300 or 500 kHz, L,
can be neglected and output ripple is determined by R, and C,.

There are two ripple components, due to B, and C,. They are not in
phase as that due to R, is proportional to I, — I, the peak-to-peak in-
ductor ramp current of Fig. 1.4f, and that due to C, is proportional to
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Figure 1.8 Output ripple in the buck regula-
tor. For a given inductor current ripple am-
plitude, output ripple is determined by the
value of the output filter capacitor, C,, its
equivalent series resistance (ESR) R, and its
equivalent series inductance (ESL) L. Below
about 500 kHz, L, can be neglected. In most
cases, the ripple component contributed by C,
is small compared to that contributed by R,,.
Under 500 kHz, output ripple is closely equal
to the AC ripple current in L, times R,,.

the integral of that current. For a worst-case comparison, however, it
can be assumed that they are in phase.

To assess these ripple components and permit a capacitor selec-
tion, it is necessary to know the values of R,, which are seldom
given by capacitor manufacturers. But examination of a number of
manufacturers’ catalogs shows that for the most frequently used
types (aluminum electrolytic) over a large range of voltage ratings
and capacitance values, R,C, tends to be constant. It-ranges from 50
to 80 x 107¢ F.

It is instructive to calculate the capacitive and resistive ripple com-
ponents for a typical buck regulator. Assume a 20- to 5-V regulator
with I, = 5 A operating at 25 kHz. Assume [0, = 0.1, = 0.5 A
and choose L from Eq. 1.8:

(Vi = VOV,T  5(20 - 5)5 x 40 x 10°°
- VdcnI - 20 X 5

an

=150 pH

and /2 - 1, the peak-to-peak ramp amplitude, is 0.2, = 1 A,

Assume to start, a resistive ripple component V_,, of 0.05 V peak-to-
peak. Then 0.05 = (12 - IR, = IR, or R, = 0.05 Q and for R,C, =
50 x 107% C, = 50 x 1075/0.05 = 1000 pF.

Now calculate the capacitive ripple voltage V., from Fig. 1.4d.
There it is seen that the ripple current is positive from the center of
the offtime to the center of the on time or for one-half of a period or
20 us. The average value of this triangle of current is (I, — I;)/
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4 = 0.25 A. Then this average current produces across C, a ripple
voltage:

-6
Vcr=£=0.25><20>< 10 x 0005 V
C, 1000 x 107
The ripple current below the I, line in Fig. 1.4f yields another 0.005-V
ripple for a total peak-to-peak capacitive ripple voltage of 0.01 V.
Thus in this particular case, the ripple due to the capacitance is small
compared to that due to the ESR resistor K, and may be ignored. The
filter capacitor is then chosen to yield the desired peak-to-peak ripple
voltage output by choosing R, from

VOI‘ VOI‘

°TI,-1, 02l

R

(1.9)

and selecting C, from the average value of the R,C, product, which is
closely 65 x 107° or

-6 0.2l
= @—j%i = (65 X 107%) (1.10)

or

CO

The preceding result—that the output ripple is determined mainly
by the ESR of the filter capacitor R,—has been demonstrated more
generally in a paper by K. V. Kantak.! There the author shows that if
R,C, is 1s larger than half the transistor on time and half the transis-
tor off time—which is the usual case—the output ripple is determined
by the ESR resistor itself as demonstrated above for a particular case.

1.3.8 DC-isolated, regulated voltage from a
buck regulator

The return end of the regulated output voltage is DC-common with
the return end of the raw DC input as can be seen in Fig. 1.4. It is
frequently necessary to have a second regulated DC output voltage
which is DC-isolated from the main regulated output voltage. This can
be done with negligibly fewer additional components as shown in Fig.
1.9 if output variations of about 2 to 3 percent in this second voltage
are acceptable.

In Fig. 1.9, a second winding with N2 turns is added to the output
filter choke. Its output is peak-rectified with diode D2 and capacitor
C2. The polarity of the N1, N2 windings are shown by the dots. When
Q1 turns off, the no-dot end of N1 goes negative and is caught at one
diode drop below ground by free-wheeling diode D1. Since V, is regu-
lated against line and load changes, the voltage across N1 is constant
as long as the current in free-wheeling diode D1 remains constant.
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Figure 1.8 Deriving a second output from a buck regulator by using the output choke
as a transformer. The second output is DC-isolated from input ground and is regulated
to within about 2 to 3 percent as its primary is powered from the regulated V, and the
cathode of D1 when @1 turns off.

With D1 a low-forward-drop Schottky diode, its forward drop remains
constant at about 0.4 V over a large change in DC output current.

Thus when @1 turns off, the voltage across N2 is relatively constant
at N,/N;(V, + 0.4) volts with its dot end positive. This is peak-
rectified by D2 and C2 to yield V2 = N,/N{(V, + 04) - 0.4 if D2 is
also a Schottky diode. This output is independent of V,, as D2 is
reverse-biased when @1 turns on. Capacitor C2 should be selected
large enough so that its output does not droop for the maximum @1 on
time. The 2 to 3 percent variation in V2 is due to changes in D1 for-
ward drop as I, changes. Since N2 and N1 are DC-isolated from one
another, this auxiliary regulated output voltage can be referenced to
any desired DC voltage level.

1.4 Boost Switching Regulator Topology

1.4.1 Basic operation

The switching technique of Fig. 1.4 can only produce a lower voltage
from a higher voltage. Figure 1.10 shows how switching techniques
can produce a higher regulated voltage from a lower unregulated volt-
age. The circuit is called a “boost regulator” or a “ringing choke” con-
verter. It works as follows. An inductor L1 is placed in series with Vg,
and a switching transistor Q1. The bottom end of L1 feeds the output
capacitor C, and load resistor through rectifying diode D1.

The output voltage V, is higher than the DC input Vy, as can be

seen qualitatively thus: When @1 is on for a time ¢, D1 is reverse-
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Figure 1.10 Boost regulator and critical waveforms. Energy stored in L1 during the @1
on time is delivered to the output via D1 at a higher output voltage when @1 turns off
and the polarity across L1 reverses.

biased and current ramps up linearly in L1 to a peak value I, =
Viton/L1. This represents an amount of stored energy:

1

E=———=05L,12 (1.11)
2L(L)?

where E is in joules, L, is in henries, and [, is in amperes.

During the @1 on time, the output current is supplied entirely from
C,, which is chosen large enough to supply the load current for the
time t,, with the minimum specified droop.

When @1 turns off, since the current in an inductor cannot change
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instantaneously, the current in L1 reverses in an attempt to maintain
the current constant. Now the no-dot end of L1 is positive with respect
to the dot end, and since the dot end is at V., L1 delivers its stored
energy to C, and charges it up via D1 to a higher voltage (a boosted-up
voltage) than V.. This energy supplies the load current and replen-
ishes the charge drained away from C, when it alone was supplying
load current. Energy is also supplied to the load from V. during the
Q1 off time as will be seen quantitatively below.

The output voltage is regulated by controlling the @1 on time in a
negative-feedback loop. If DC load current increases, the on time is
automatically increased to deliver the greater required energy to the
load. If V, decreases, and if ¢, were not changed, the peak current
and hence also the energy stored in L1 would decrease and the DC
output voltage would decrease. But the negative-feedback loop senses
a slightly decreased output voltage and increases ¢, to maintain out-
put voltage constant.

1.4.2 Quantitative relations—boost regulator

If the current through D1 has fallen to zero before the next @1 turnon,
all the energy stored in L1 (Eq. 1.11) during the last @1 on time has
been delivered to the output load and the circuit is said to be operating
in the “discontinuous” mode.

An amount of energy E delivered to a load in a time T represents
power. With E in joules and T in seconds, P is in watts. Thus if all the
joules of Eq. 1.11 are delivered to the load once per period T, the power
to the load from L1 alone (assuming for the moment 100 percent effi-
ciency) is

VoL(L,)?

1.1
L T (1.12)

During the time the current in L1 is ramping down to zero (T, in
Fig. 1.10d), however, that same current is flowing through V,_ and is
also delivering to the load an amount of power P,4. equal to the aver-
age current during T, multiplied by its duty cycle and V.

Po=vi el 1.13)
de ™ de 2 T ( .
The total power delivered to the load is then
VoLy(I,)? LT,
P, =P, +P, = ——}L dc—zf? (1.14)
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But I, = Vy.Ton/L;. Then

_ (1/2L1)(VdcTon/Ll)2 + VdcTnn 717'

[ 2 T de 2L1 T
VdczTon T T 15
- 2]-11—41 ( on + r) (~1' o)

Now to make sure that the current in L1 has ramped down to zero
before the next @1 turnon, set (T, + T,) = kT, where £ is fraction less
than 1. Then P, = (V2T /2TL)(RT).

But for an output voltage V, and output load resistor R,

P VdczTon BT V02
‘T9TL, (k1) = R,
V=V \/kRoTon ;
or o~ Yide 9I.1 (1.16)

Thus the negative-feedback loop keeps the cutput constant against
input voltage changes and output load R, changes in accordance with
Eq. 1.16. As V4, and R, go down or up, the loop will increase or de-
crease T, so as to keep V, constant.

1.4.3 Discontinuous and continuous
modes in boost regulator

It was mentioned in the previous section that if the D1 current (Fig.
1.10d) fell to zero before the next turnon, the circuit is said to operate
in the discontinuous mode. If the current has not fallen to zero at the
end of the off time, the @1 current at the next turnon will have a
front-end step as the current in an inductor cannot change instanta-
neously. Currents in @1 and D1 will have a characteristic ramp-on-a-
step waveshape as in Fig. 1.11. The cireuit is now said to be operating
in the continuous mode.

If the feedback loop had been successfully stabilized for operation in
the discontinuous mode, as R, or V. decreases, the feedback loop in-
creases T, to maintain the output voltage constant. As K, or V. con-
tinues to decrease, a point is reached such that 7' is so large that the
decaying current through D1 has not yet fallen to zero before the next
turnon (Figs. 1.10, 1.11) and the circuit is in the continuous mode.

Now the error-amplifier circuit, which had successfully stabilized
the loop while it was operating in the discontinuous mode, is not able
to keep the loop stable in the continuous mode and begins to oscillate.
In the jargon of feedback-loop analysis, the continuous-mode boost
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Figure 1.11  Current in @1 and D1 for boost regulator in continuous mode.
Inductor L1 has not had enough time to release all its current to the load
before the next @1 turnon.

regulator has a right-half-plane zero. The only way to stabilize a loop
with a right-half-plane zero is to drastically reduce the error-amplifier
bandwidth. Right-half-plane zeros will be discussed in more detail in
the chapter on feedback stabilization.

1.4.4 Discontinuous-mode boost regulator
design relations

In Fig. 1.10d, the decaying D1 current is seen to just come down to
zero at the start of the next turnon. That was the very end of
discontinuous-mode operation. It is seen from Eq. (1.16) to occur at
certain combinations of V,, 7., E,, and L1 for a given operating pe-
riod T.

If certain combinations of these result in D1 current falling to zero
just immediately prior to the next @1 turnon as shown in Fig. 1.10d,
any further decrease in V,, or R, (increase in load current) will force
the circuit into the continuous mode and oscillation will occur if the
error amplifier has not been designed for this mode. This can be seen
from Eq. (1.16). If the circuit is just at the end of discontinuous-mode
operation, any further decrease in V,;_ or R, will cause the error ampli-
fier to increase T, in order to keep V, constant. Then D1 starts ramp-
ing down later in time (and from a higher current as 7, has
increased). Now at the start of the next @1 on time, the D1 current has

not yet fallen to zero and the circuit has entered the continuous mode.
To avoid this problem (see Eq. 1.16) T, must be selected so that
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when it is a maximum (which is when V,, and R, are at their mini-
mum specified values), and then when the current in D1 has fallen
back to zero, there is an arbitrarily selected dead-time margin (T',)
before @1 turns on again. In the time the current in D1 returns to
zero, the L1 core must be restored or “reset” to its starting place on its
hysteresis loop.

Now to understand how the core may fail to be reset to its starting
place and to comprehend the basic concept of the core moving up (be-
ing set) or moving down (being reset) on its hysteresis loop, the most
fundamental law in magnetics—Faraday’s law—must be appreciated.
Faraday’s law states

E = NA, (dB/dt) x 1078 (1.17)

where E = voltage across a core (inductor or transformer winding) volts
N = number of turns on the winding
A, = iron area of core (cm?)
dB = core flux change (gauss) (which has a plus or minus direc-
tion depending on polarity of the voltage across the wind-
ing)
dt = time for that flux change (seconds)

Now if a voltage E is applied across a winding of N turns for a time
dt, it produces from Faraday’s law a flux change of

_ E dt x 10*8

dB NA

(gauss) (1.18)

Thus, as shown in Fig. 1.12, if a core is subjected to a positive flux
change of dB = B2 ~ B1, when, say, the dot end of the winding had
been positive, the core must be restored exactly to B, by a reversed
voltage polarity before original polarity voltage may be applied. If not,

/ Figure 1.12 Setting and resetting
a magnetic core. A core must not
be allowed to walk up or down its
hysteresis loop. If it is driven
from, say, Bl to B2 by a given
volt-second product, it must be
subjected to an equal and oppo-
site volt-second product to restore
or reset it exactly to Bl before
driving it upward again.
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if a core moves from, say, B1 to B2 and with a reverse polarity voltage
is restored to only a few percent above B1, then after many such cy-
cles, it will drift up its hysteresis loop and saturate the core. Since a
saturated core cannot sustain voltage, the voltage at the transistor
collector will suddenly move up to the supply voltage and the transis-
tor will be destroyed.

From Eq. (1.18), the flux change dB caused by a voltage E applied for
a time d¢ is proportional to the volt-second product E d¢. Thus if a core is
moved up or “set” by a given volt-second product, it must be “reset” by an
opposite polarity and exactly equal the volt-second product.

Now in Fig. 1.10, during the transistor on time T, the dot end of
L1 will be positive and the core will be set or moved-—say, upward—on
the hysteresis loop by the volt-second product Vg T, (assuming neg-
ligible on drop across @1). When @1 turns off, polarity across L1 re-
verses, the no-dot end of L1 is now positive, and the core is reset in a
time T, to its exact starting point on the hysteresis loop. During the
reset time, the voltage across L1 (assuming here also negligible drop
across D1) is (V, — V). To ensure that the core is always reset to its
initial starting point and does not drift either way on the hysteresis
loop, the on or set volt-second product must be equal to the off or reset
volt-second product.

Now to ensure that the circuit remains in the discontinuous mode, a
dead-time T, of 20 percent of a full period will be established such
that the sum of the maximum on time, the core reset time, and the
dead time will equal a full period as in Fig. 1.13. This ensures that the
stored current in L1 has fallen to zero 20 percent of a full period before
the next @1 turnon.

Now hereafter, a line appearing below a term will indicate the min-
imum permitted or specified or required value of that term, and a line

appearing over a term will indicate the maximum value of that term.
Then T, + T, + Ty =T, Ty + T, + 027 =T, or

T +T =0.8T (1.19)

From Eq. (1.16), maximum on time 7T, occurs at minimum
V,. and minimum R,. Then for the on or set volt-second product to equal
the off or reset volt-second product at minimum V. and minimum B,

Vol = (V, = VT, (1.20)

Now in Egs. (1.19) and (1.20) there are only two unknowns,

T.,and T, and thus both are determined; 7', is then

0.87(V, - V,)
T = (1.21)
on V

o]
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Figure 1.13 Ensuring discontinuous-mode operation in a boost regulator. For
discontinuous-mode operation, the current in D1 (Fig. 1.10) must have decayed to zero
before the next turnon. To ensure this, with a minimum input voltage, a maximum on
time, and a maximum output current at the desired output voltage, the inductor L1 is
chosen such that T, axy + T = 0.8T, leaving a dead time 7'y of 0.27T.

Now in Eq. 1.16, with V. and R, (maximum load current) specified,
T,, calculated from Eq. 1.21 and & [= (T, + T,)/T)] = 0.8 as set from
Eq. 1.19, inductor L1 is fixed and the circuit is guaranteed not to enter
the continuous mode. If output load current is inadvertently increased
beyond its specified maximum value (R, decreased below its specified
minimum) or Vy is decreased below its specified minimum, the feed-
back loop will attempt to increase T, in order to keep V, constant.
This will eat into the dead time T4, and move the circuit closer to the
continuous mode. To avoid this, a clamp to limit maximum on time or
maximum peak current must be introduced.

With L1 determined as above from Eq. 1.16, V. specified and
T, calculated from Eq. 1.21, the peak current in @1 can be calculated
from Eq. 1.14 and a transistor selected to have adequate gain at I,.

1.4.5 Boost regulator applications and
flyback comparison

The boost regulator is not as widely used as the buck simply because
there are fewer instances where a higher from a lower voltage is re-
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quired. In those instances where the higher voltage is required, there
are alternative and preferable ways to obtain it.

Nevertheless, the boost regulator has been treated in rather great
detail because by replacing the inductor L1 by a transformer, a very
similar, valuable, and widely used topology—the “flyback” is realized.
As for the boost, the flyback stores energy in its magnetics in one part
of the switching period and, in a subsequent part, transfers it to the
output load. Because of the transformer, output return is DC-isolated
from input return. Also by using multiple secondaries, a multi-output-
voltage power supply is possible with outputs at a higher or lower
voltage than the input.

The problems of discontinuous or continuous operation and the de-
sign relationships and procedures for the flyback are similar to those
of the boost and will be discussed in detail in a later chapter.

The boost regulator is most frequently used at low power levels
(<10 W). Its greatest usage at such low power levels is on printed-
circuit boards where it is desired to step up a 5-V computer logic
level supply to 12 or 15 V for operational amplifiers. It is frequently
encountered at higher power levels in battery input power supplies.
As a battery discharges, its output voltage drops significantly and
suddenly. Many systems whose prime power is a nominal 12- or 28-
V battery will present problems when the battery voltage falls to
about 9 or 22 V, respectively. Boost regulators are frequently used
in such applications to boost the voltages back up to the 12- and 28-
V level. Power level in such applications can be in the 50- to 200-W
level.

1.5 Polarity Inverting Switching
Regulator Topology

1.5.1 Basic operation

Polarity inverting switching regulator topology is shown in Fig. 1.14.
It uses the same basic principle of energy storage in an inductor in one
part of the operating period and then transferring it to the output load
in the latter part of the period.

Comparing Figs. 1.14 and 1.10, it is seen that the transistor and in-
ductor have changed places. In the polarity inverter, the transistor is
above the inductor rather than below it as in the boost. Also the ori-
entation of the rectifying diode has been reversed.

In Fig. 1.14, when @1 turns on, diode D1 is reverse-biased as its
cathode is at V. (assuming to a close approximation that the on
drop across @1 is zero) and assuming for the moment that C, has
charged down to some negative voltage. With a fixed voltage V
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Figure 1.14 Polarity inverter and critical waveforms. When @1 is on, cur-
rent ramps up linearly in L, and stores current [, in L,. When @1 turns
off, polarity across L, reverses. Current I, now decays linearly through C,
and D1, charging the top end of C, negatively. If all the current /, stored
in L, during the @1 on time has decayed to zero before the next @1
turnon, power delivered to the load is P, = V2L, (,)*/T.

across L,, current in it ramps up linearly at a rate di/dt = V./L,.
After an on time T, current in L, has reached I, = V,¢,./L, and
represents a stored energy (in joules) of E = 1/2LOIp2. When @1
turns off, polarity across L, reverses in an attempt to maintain its
current unchanged. Thus at the instant of turnoff, the same I,
which flowed through @1 before it turned off now flows through C,
and D1. This current flowing upward through C, charges the top
end of it to a negative voltage as assumed.
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After a number of cycles, the error amplifier sets the @1 on time 7',
so that the sampled output voltage [V, ,R2/(R1 + R2)] is equal to the
reference voltage V.. Further, if all the energy stored in L, is deliv-
ered to the load before the next @1 turnon (by I,; having fallen to zero
before turnon), the circuit operates in the discontinuous mode and the
power delivered to the load is

VoL, I}
b=

It should be noted that unlike the case of the boost regulator, when
Q1 turns off, the stored current does not flow through the supply
source (see Eq. 1.13). Hence the only power to the load is that given by
Eq. 1.22. Thus assuming 100 percent efficiency, and a minimum out-
put resistance R, output power is

(1.22)

V2 L,I?
P = = —
"“R -TT

(1.23)

and for I, = Vg, Ton/L,

o]

R
Vo = VdcTon \/ZTLO (124)

1.5.2 Design relations in polarity inverter

As in the boost, it is desirable to keep the circuit operating in the
discontinuous mode by ensuring that the current stored in L, during
the ¢1 maximum on time has decayed to zero at the end of T, with a
dead time T4 margin of 0.2 before the next @1 turnon. Thus
T.+7T,+ Ty =T, and for Tg = 0.2T, we obtain

T +T. =08T (1.25)

In addition, as in the boost regulator, the on volt-second product
must equal the reset volt-second product to prevent the core from
drifting up or down its hysteresis loop. Since maximum T, occurs for
minimum V. and minimum R, (as can be seen from Eq. 1.24) it fol-
lows that

vV, T.. = V,T. (1.26)

Thus in both Eqs. 1.25 and 1.26 there are two unknowns: T,, and
T,. This fixes T, at
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—  08V,T

T,=—=>—"— (1.27
" Vdc + Vo ( )

Now, with T, calculated from Eq. 1.27, V., R,, V,,, and T specified,
Eq. 1.24 fixes L,. This fixes I, = V. T,,/L, and transistor @1 can be
selected to have adequate gain at [,,.

Reference

1. K. V. Kantak, “Output Voltage Ripple in Switching Power Converters,” Power Elec-
tronics Conference Proceedings, Boxborough, Mass., pp. 356-44, April 1987.



Chapter

Push-Pull and Forward
Converter Topologies

2.1 Introduction

The three earliest switching regulator topologies discussed in the pre-
vious chapter had the significant drawbacks that the output returns
were DC-common with the input returns and that multiple outputs
were not possible (except for the restricted case discussed in Sec.
1.3.8).

In this chapter, the most widely used switching regulator topologies
are discussed. These topologies—the push-pull, single-ended forward
converter, and two modifications of the latter, the double-ended and
interleaved forward converter—have sufficient similarity to consider
them as a family. All these topologies deliver their power to the loads
via a transformer; hence output voltage returns are DC-isolated from
input returns, and with multiple transformer secondaries, multiple
DC output voltages are possible.

2.2 Push-Pull Topology

2.2.1 Basic operation—master/slave outputs

Push-pull topology is shown in Fig. 2.1. It consists of a transformer 7'1
with multiple secondaries. Each secondary supplies a pair of 1807 out-
of-phase square-wave power pulses whose amplitude is fixed hy the
number of secondary turns. Pulse widths at all secondaries are, of
course, identical and are determined by the control circuit in the
negative-feedback loop arocund a main secondary V,,. That control cir-
cuit is basically much like that for the buck and boost regulators of
Figs. 1.4 and 1.10 except that two equal and adjustable-width, 180°

37
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Figure 2.1 Push-pull width-modulated converter. Transistors @1 and Q2 are driven by
180 out-of-phase width-modulated signals. Outputs are one master (V) and two slaves
(V,, and V,,). Feedback loop is closed around V,,, and T, is controlled to regulate it
against line and load changes. Slaves are regulated against line but only partially
against load.

out-of-phase pulses are supplied to drive the bases of @1, @2. Second-
aries N, N, are referred to as “slaves.”

Transistor base drives at turnon are sufficient to bring the bottom
end of each half primary down to the Vg level of about 1V for the
transistors over the full specified current range. Hence when either
transistor turns on, it applies to its half primary a square voltage
pulse of magnitude V4, — 1.
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Then for output rectifier forward drops of V;, outputs at the rectifier
cathodes will be flat-topped square waves of amplitude (Vg — 1)(N/
N,) - V; and of duration T,,. Here, V,, the rectifier diode forward
drop, will be taken as 1 V for a conventional fast-recovery diode and
0.5 V for a Schottky diode (usually used for 5-V high-current outputs
as V). These output pulses at the rectifier cathodes have a duty cycle
of 2T, /T as there is one such pulse of duration T, per half period 77/2.

Thus the waveform at the input to the LC filters in Fig. 2.1 is very
much like that at the input to the buck regulating LC filter of Fig. 1.4.
It has a unique flat-topped amplitude and adjustable width. The LC
filters of Fig. 2.1 serve the same purpose as that in Fig. 1.4. They pro-
vide a DC output which is the average of the square wave at their in-
puts and filter out the square-wave ripple. The analysis of the induc-
tor and capacitor functions proceeds exactly as for the buck regulator,
and the relations for calculating their magnitudes are exactly as for
the buck.

Thus the DC or average voltage at the V,, output in Fig. 2.2 (as-
suming D1, D2 are 0.5-V forward-drop Schottky diodes) is

1% {(V 1)(N'") 05] 2on (2.1)
m de Np . T .

Waveforms at the V,, output rectifiers are shown in Fig. 2.2. Now, if
a negative-feedback loop is closed around V,, as in Fig. 2.1 to control

Switching
frequency

(Ve = THINm/Np)

Qi on Q1on Q1 on
e -~ - Anode of D1
-05V
(Vge =1 (Nm/Np)
a Onﬁ’ @ Onﬁ’ Anode of D2
— -05V

[(Vge = 1) (New/Np) | - 0.5

Q1 on Q2 on Q1 on Q2 on Q1 on
-~ - Cathodes of Df, D2
-05Vv

S

Figure 22 Voltages at main (N,,) secondary winding. Qutput LC filter is an averaging
filter. It yields DC out voltage = V,, = [(V4, ~ IN,,/N,) = 0.51(2T,,/T). As V4 varies,
the negative-feedback loop corrects T, in such a direction as to keep V,, constant.
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T.., V,, will be regulated against DC input voltage and load current
output changes. Although load current does not appear in Eq. 2.1,
whatever causes V,, to change, that change will be sensed by the error
amplifier and T, will be altered in such a direction as to correct that
change. So long as L1 (Fig. 2.1) does not go discontinuous, changes in
T, will be small and the absolute value of T, will be given by Eq. 2.1
for any turns ratio N,,/N,, V., and period 7.

Now the voltage at the cathodes of the slave rectifying diodes is fixed
by the number of slave secondary turns, and the duration of the square
waves is the same T, as was fixed by the master (V,,) feedback loop.
Thus the slave outputs (assuming non-Schottky rectifier diodes) are

v V. -1 Na 1 2T, 2.9
sl_|:( de )Np— ] T ()
v V. -1 Nez 1 2Ton 2.9
2= (Ve - Dy~ 15 23)

2.2.2 Slave line-load regulation

It can now be seen from Egs. 2.1, 2.2, and 2.3 that the slaves are reg-
ulated against V. input changes by the negative-feedback loop which
keeps V,, constant. As V. changes, the loop changes T, so that
(V4 = 1T, is kept constant to maintain V,, constant in accordance
with Eq. 2.1. But the same product (V4, — 1)T,, also appears in Eqgs.
2.2 and 2.3, and thus V4, V,, are also kept constant as V. changes.

But if load current in the master (V) changes, forward drop across
its rectifying diodes will change slightly, decreasing the peak voltage
at their cathodes slightly. The forward drop across a Schottky rectify-
ing diode was assumed as 0.5 V as a simplifying approximation. That
drop can change by *0.1 V with large load changes. Thus the
negative-feedback loop to correct for V,, load changes, will alter T’ to
keep V,, constant as dictated by Eq. 2.1.

Then in Egs. 2.2 and 2.3, T, will change without corresponding
changes in V. and changes in V;, V, will result. Such changes in the
slave output voltages due to changes in the master output current is
referred to as cross regulation. Slave output voltages will also change
as a result of changes in their own output currents. Slave current
changes will cause forward voltage drop changes in their rectifying di-
odes, lowering the peak voltage slightly at the input to their voltage-
averaging LC filter. These, of course, are not corrected by the main
feedback loop, which senses only V,,. But so long as the slave output
inductors, L2, L3 and especially main inductor L1 do not go discontin-
uous, slave output voltages can be depended on to remain constant to
about +£5 to =8 percent.
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2.2.3 Slave absolute output voltage levels

Although slave output voltage changes are relatively small, their ab-
solute values are not accurately adjustable. As seen in Eqgs. 2.2 and
2.3, they are fixed by T, and their corresponding secondary turns
N, N,. But T, is fixed by the feedback loop in keeping the master
constant. Also, since the number of slave secondary turns can be
changed only by integral numbers, the absolute value of slave output
voltages is not finely settable. The change in secondary voltage for a
single turn change in N, is given by Faraday’s law (Eq. 1.17). From
that relation, the secondary volts per turn is

z% = A, (dB/dt) x 10-8 2.4)

Here A, is the core iron area in cm® and dB is the flux change in
gauss in a time d#(= T,) in seconds. Since T, is some fraction of a
half period (see Fig. 2.1), the volts per turn E/N is directly propor-
tional to the switching frequency. In practice, the volts per turn
ranges from about 2 V at a switching frequency of 25 kHz to50r 6 V
at 100 kHz. In Eq. 2.4, since E/N is also proportional to dB, at 100 kHz
it is less than four times its value at 25 kHz. This is so because, as will
be seen in the chapter on magnetics, higher core losses at the higher
frequency force a lower permissible dB at the high frequency.

In most cases, the absolute value of slave output voltages is not too
important. Slaves usually drive operational amplifiers or motors, and
these most often can tolerate DC voltage levels within about 2 V of a
desired value. If absolute magnitude of a slave output is important, it
is usually designed higher than required and brought back down to a
desired exact value with a linear regulator or buck regulator. Because
a slave output is semiregulated (against line changes only), it is not
too inefficient to use a linear regulator. In such cases, the slave abso-
lute voltage level is designed to be at about the minimum headroom
(2.5 to 3 V) above the desired exact output voltage when DC input
voltage is at its minimum.

2.2.4 Master output inductor minimum
current limitations

The selection of the output inductor for a buck regulator was discussed
in Sec. 1.3.6. It was mentioned that at a DC current level when the
step at the front end of the inductor current waveform has fallen to
zero (Figs 1.6a and 1.65), the inductor is said to run dry or go discon-
tinuous. Up to this point and beyond, the feedback loop maintains the
buck regulator’s output voltage constant, but with somewhat poorer
load regulation after the inductor has gone discontinuous.

In Fig. 1.6a, however, it can be seen that before going discontinuous
the on time is very nearly constant over large output current changes.
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After run-dry, the on time changes drastically. In the buck regulator,
this does not matter at all as only the one voltage is involved and the
feedback loop keeps the output voltage constant. But in the push-pull
width-modulated converter with a master and some slaves, the slave
output voltages are directly proportional to the master’s on time as
shown by Eqgs. 2.2 and 2.3.

It is thus very important when slaves are involved that the master
output inductor not be permitted to go discontinuous until it reaches
its minimum specified output current level. If the master’s minimum
output current is specified at one-tenth its nominal value, an output
inductor selected from Eq. 1.8 will prevent the discontinuous mode
condition until the master output current has fallen to its minimum
value. Up to this point, the slave output voltages will remain constant
to within about 5 percent. After the master inductor has gone discon-
tinuous—below its minimum DC current specification—T,, will de-
crease significantly, and so will slave output voltages. But the feed-
back loop will keep the master output voltage constant.

Slave outputs, of course, must not be permitted to go discontinuous
until they reach their own specified minimum current limits. Slave
output inductors should also be selected from Eq. 1.8 if their minimum
currents are as low as one-tenth their nominal value. If minimum cur-
rents are only one-fifth their nominal value, inductors can be half the
Eq. 1.8 value before the discontinuous mode situation occurs.

2.2.5 Flux imbalance in push-pull topology

The push-pull converter is one of the oldest topologies and a still valu-
able one. It has multiple outputs whose returns are DC-isolated from
input ground and from one another. Output voltages can be higher or
lower than DC input voltages. The master is regulated against line
and load variations. The slaves are equally well regulated against line
changes and to within about 5 percent for load changes as long as out-
put inductors are not permitted to go discontinuous.

The topology was widely used and, in very large numbers, per-
formed successfully in the field. Yet occasionally and in greater num-
bers as output powers increased, power transistor failures started oc-
curring in the field for unknown reasons. Waveforms prior to shipping
looked normal and field performance prior to the failures showed no
problems. Generally, no obvious design flaw would be found and after
just simple replacement of the power transistors, the supplies would
continue to work well for months until another unexplained transistor
failure would occur.

Eventually, a rather subtle reason for these failures became obvious
and widely known throughout the industry. It led to less frequent use
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Figure 2.3 Hysteresis loop of a typical ferrite core material (Ferroxcube 3C8).
Flux excursions are generally limited to +2000 G up to about 30 kHz by require-
ment to stay on the linear part of the loop. At frequencies of 100 to 300 kHz,
peak flux excursions must be reduced to about *1200 or +800 G because of core
losses at these higher frequencies.

of the push-pull topology or to applications where simple and inexpen-
sive “fixes” could avoid the problem.

This subtle failure mode in push-pull converters is known as flux
imbalance. It can be understood by examination of the hysteresis loop
(Fig. 2.3)* of a typical ferrite core material used in the power trans-
former.

In normal operation, the core’s flux excursion is between levels such
as B; and B, gauss in Fig. 2.3. It is desirable to stay on the linear part
of the hysteresis loop below +2000 G. At frequencies of up to 25 kHz,
core losses are low and it may be permitted to move between plus and
minus 2000 G. Yet other considerations discussed in Sec. 2.2.9.4 dic-
tate that in a conservative design, excursions between *1600 G are
preferable even though losses at #2000 G are easily acceptable. But
core losses go up rapidly with frequency, and above 100 kHz they may
limit peak flux density to 1200 or even 800 G.

Now (see Fig. 2.1) when @1 is on, the no-dot end of N, is positive
with respect to the dot end and the core moves up the hysteresis loop—
say, from B, toward B,. The actual amount it moves up is proportional
to the product of the voltage across N,, and the @1 on time (from

*Hysteresis loop of 3C8, a typical ferrite from Ferroxcube Corporation. Other mate-
rials from the same or other manufacturers are very similar. Other materials differ
mainly in core losses and Curie temperature.
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Faraday's law; Eq. 1.18). When @1 turns off and @2 turns on, the dot
end of N, is positive with respect to the no-dot end and the core moves
back down from B, toward B;. The actual amount it moves down is
now proportional to the voltage across N,, and the @2 on time.

Further, if the volt-second product across IV,,; when @1 is on is equal
to the volt-second product across N, o when @2 is on, after one com-
plete period, the core will have moved up from B, to B, and returned
exactly to B;. But if those volt-second products differ by only a few
percent and the core has not returned to its exact starting point in one
period, after a number of periods, the core will “walk” or drift off cen-
ter of the hysteresis loop into saturation. In saturation, of course, the
core cannot sustain voltage and the next time the appropriate transis-
tor turns on, it is subjected to high current and high voltage and is
destroyed.

Now there are a number of factors which cause the on or set volt-
second product to be different from the off or reset volt-second product.
The @1 and @2 collector voltage on times are not exactly equal even if
their base voltage on times are equal. Base voltage on times are very
closely equal as the usual integrated-circuit control chip which gener-
ates them makes them so.

But if @1, @2 are bipolar transistors, they have “storage” times
which keep the collector on for a longer time than does the base on
voltage time. Storage times can range from 0.3 to 6 us and have large
production spread. They also are very temperature-dependent, in-
creasing significantly as temperature increases; and even if, fortu-
nately, Q@1 and @2 have equal storage times at the same temperature,
they may be very unequal if located far apart on a heat sink and op-
erate at different temperatures.

Further, if one transistor has a slightly larger volt second product
than the other, it will start the core drifting slightly off center toward
saturation. This will cause that transistor to draw slightly more cur-
rent than the other as the core moves onto the curved part of the hys-
teresis loop (Fig. 2.3) and the core’s magnetizing current on that half
period starts to become a significant part of the load current. Now the
transistor which draws more current will run slightly warmer, in-
creasing its storage time. With a longer storage time in that transis-
tor, the volt-second product it applies to the core in its on half period
increases, the current in that half period increases, storage time in
that transistor increases still further. Thus a runaway condition
arises which quickly drives the core into saturation and destroys the
transistor.

The on volt-second product between €1 and @2 can also differ be-
cause of their initially unequal “on” or V..., voltages, which havea
significant production spread. As described above, with bipolar tran-
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sistors, any initial difference in on voltage is magnified because the on
voltage with bipolars decreases as temperature decreases.

If @1, @2 are MOSFET transistors, the flux imbalance problem is
much less serious. To start with, MOSFETs have no storage time and
with equal input on (gate) times, output (drain) times are equal—and,
importantly, the on voltage of a MOSFET transistor increases as tem-
perature increases. Thus the runaway condition described above can-
not ocecur.

To the contrary, the fact that MOSFET on voltage increases with
temperature provides negative feedback, which tends to correct any
tendency to flux imbalance. If there were any initial inequality in
volt-second product, in the half period in which it was larger, transis-
tor current would be greater as the core started moving up the curved
part of the hysteresis loop. That transistor with the larger current
would run warmer, and its on voltage would increase and rob voltage
from its half primary. This would decrease the volt-second product in
that half period and bring the transistor current back down.

2.2.6 Indications of flux imbalance

A push-pull converter can continue to operate for some time with a
certain amount of flux imbalance without immediately saturating its
core and destroying its transistors. The mechanism described above
may imply a slight imbalance in volt-second product between each
half cycle causes certain failure. But failure is not certain.

Obviously, unless there was an inherent corrective mechanism, core
saturation and transistor failure would always occur. It would simply
take more switching cycles with a small volt-second imbalance. Thus
if there were an initial volt-second imbalance of 0.01 percent (which
would be practically impossible to achieve), it would take only 10,000
cycles before the core would move from a lowermost starting point of
B, (Fig. 2.3) to a starting point of B,, and the transistors would be de-
stroyed considerably before that.

The corrective mechanism which permits the converter to survive
and operate with no external indications of possible imminent failure
is simply the primary wiring resistance. If there is an initial volt-
second imbalance in the half period with the larger product, the tran-
sistor will commence taking more current as the core commences
walking up the curved part of its hysteresis loop. But as that side
takes more current, it produces a larger voltage drop across its half
primary resistance. That voltage drop robs volt-seconds from the
winding and restores the volt-second balance.

The converter can then remain in the unbalanced state without im-
mediately going into run away and completely saturating the core. An
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indication of where the core is on the hysteresis loop and how close to
disaster the converter is can be obtained by placing a current probe in

transformer center tap as shown in Fig. 2.4d.
The waveform indicating a volt-second balance is shown in Fig
2.4a, where alternate current peaks are equal. Primary load current

{a)} W Q! on Q2 on

(b) m-‘: Q1 on Q2 on
(c) mlj Q1on Q2 on

Ve

Ipl‘\'\ ’Ip1

Secondary toads
Lom reflected
info primary
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{e)

(d}

Figure 2.4 (a) Current in transformer center tap. Equal volt-second product on both
halves of transformer primary. (&) Transformer center tap current. Unequal volt-second
product on both halves of transformer primary. Core is not yet on curved part of hys-
terests loop. () Transformer center tap current. Unegqual volt-second product. Upward
concavity indicates dangerous situation. Core is far up on curved part of hysteresis loop.
(d) Adding a diode in series with one side of primary to test how serious a volt-second
inequality exists. (¢) Total primary current is the sum of the ramp-on-a-step reflected
secondary load currents plus the linear ramp of magnetizing current.
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pulses have the characteristic shape of a ramp on a step just as for the
buck regulator in Fig. 1.4d. They have this shape because all the sec-
ondaries have output LC filters which generate such waveshapes as
described in Sec. 1.3.2.

Now the primary load current waveshape is the sum of all the sec-
ondary ramps on a step reflected into the primary by their respective
turns ratios.

However, the total primary current is the sum of these secondary
currents reflected into the primary plus the so-called magnetizing cur-
rent. This magnetizing current is the current drawn by the magnetiz-
ing inductance, which is the inductance seen looking into the primary
with all secondaries open-circuited. This inductance is always present
in a loaded transformer and is effectively in parallel with the second-
ary currents reflected into the primary as in Fig. 2.4e.

The waveshape of the total primary current is then the sum of the
ramp-on-a-step reflected load currents and the magnetizing current.
But the magnetizing current is a linear ramp starting from zero cur-
rent level. When a transistor turns on, it applies a step of voltage of
approximately V4, — 1 across the magnetizing inductance L,,. Magne-
tizing current then ramps up linearly at a rate dI/dt = (V. - 1)/L,,
and for the transistor on time of 7', reaches a peak of

_ (Vdc - 1)(Ton)
N L

Pm

Lo (2.5)

This I, is kept small compared to the sum of the load currents re-
flected into the primary by ensuring that L,, in Eq. (2.5) is large. Max-
imum permissible peak magnetizing current should be no greater
than 10 percent of the primary load current.

Since the ramp of magnetizing current is small, added to the ramp
on a step of load current, it simply increases the slope of the latter
slightly and is not noticeable. Also, if volt-seconds are equal on alter-
nate half cycles, peak currents will also be equal on each half cycle as
in Fig. 2.4 as operation is centered around the zero-oersted (0-Oe) or-
igin of the hysteresis loop of Fig. 2.3.

However, if volt-second products on alternate half cycles are un-
equal, core operation is not centered around the origin of the hyster-
esis loop. Since oersteds are proportional to magnetizing current, this
shows up as a DC current bias as in Fig. 2.4b, making alternate cur-
rent pulses unequal in amplitude.

As long as the DC bias does not drive the core appreciably up the
hysteresis loop, the slope of the ramp still remains linear (Fig. 2.4b)
and operation is still safe. Primary wiring resistance keeps the core
from moving further up into saturation.
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But if there is a large inequality in volt-seconds on alternate half
cycles, the core is biased closer toward saturation and enters the
curved part of the hysteresis loop. Now, magnetizing inductance,
which is proportional to the slope of the hysteresis loop, decreases and
magnetizing current increases significantly. This shows up as an up-
ward concavity in the current slope as in Fig. 2.4c.

This is a dangerous and imminent failure situation. Now small tem-
perature increases can bring on the runaway scenario described
above. The core will be driven hard into saturation and destroy the
power transistor. A push-pull converter design should certainly not be
considered safe if current pulses in the primary center tap show any
upward concavity in their ramps. Even linear ramps as in Fig. 2.4b
with anything greater than 20 percent inequality in peak currents are
unsafe and should not be accepted.

2.2.7 Testing for flux imbalance

A simple test to determine how close to a dangerous flux imbalance
situation a push-pull converter may be is shown in Fig. 2.4d. Here a
silicon diode with about 1 V forward drop is placed in series with the
end of either half of the transformer. Now in the on state, that half
with the diode in series has 1 V less voltage across it than the other
half and there is an artificially produced volt-second unbalance. The
center tap waveform will then look like either Fig. 2.45 or 2.4c. The
current ramp corresponding to the side which does not have the diode
will have the larger volt-second product and the larger peak current.
By switching the diode to the other side, the larger peak current will
be seen to switch to the opposite transformer half primary.

Now it can be determined how close to the upward concave situation of
Fig. 2.4c the circuit is. If one series diode can make a current ramp go
concave, the circuit is too close to imminent failure. Going to two series
diodes on one side will give an indication of how much margin there is.

It should be noted that primary magnetizing current contributes no
power to the secondaries. It will not be reflected by any turns ratio
into the secondaries. It simply swings the magnetic core across the
hysteresis loop of Fig. 2.3 and is related to the driving force in oersteds
in that figure by the fundamental magnetic relation

0.4wN, 1,

H= 7 (2.6)

m

where H is in oersteds
N, is in turns
1., 1s in amperes
L, isin henries
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2.2.8 Coping with flux imbalance

The flux imbalance problem has caused the push-pull topology to fall
out of favor in recent years. There are a number of ways to circumvent
the problem, but they all more or less have drawbacks in terms of in-
creased cost or components. Some schemes to combat flux imbalance
are described in the following subsections.

2.2.8.1 Gapping the core. Flux imbalance becomes serious when the
core moves out onto the curved part of the hysteresis loop (Fig. 2.3)
and magnetizing current starts increasing exponentially as in Fig.
2.4c. This can be avoided by moving the curved part of the hysteresis
loop out to greater oersted levels. The core can then tolerate a larger
DC current bias or volt-second product inequality.

An air gap introduced in series with the magnetic flux lines has the
effect shown in Fig. 2.5. It tilts the slope of the hysteresis loop, keep-
ing the point where it crosses the zero-gauss (0-G) level (the so-called
coercive force H,) fixed. An air gap of 2 to 4 mils brings the curved
portion of the loop far out in oersteds so that the core can accept a rea-
sonably large volt-second product inequality for cores used in the 10-
to 500-W power level.

The air gap for a prototype EE or cup core is usually done with plas-
tic shims in the center and outer legs. Since the flux passes through
.the center leg and returns through the outer legs, the total gap is
twice the shim thickness. In a production transformer, it is not very
much more expensive to have the center leg ground down to twice the

Ungapped

Gapped

7 M, Oe

Figure 25 Gapping a core tilts its hysteresis loop. The gapped core shifts the curved
part of the hysteresis loop out to higher oersted region and permits operation with a
greater flux imbalance or DC current bias without saturation.
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shim thickness. This will achieve pretty much the same effect as
shims in the center and outer legs but is preferable as the gap remains
more constant over time and results in less RFI interference.

2.2.8.2 Adding primary resistance. It was pointed out in Sec. 2.2.6 that
primary wiring resistance keeps the core from rapidly being driven
into saturation if there is a volt-second inequality. If there is such an
inequality, the half primary with the larger volt-second product draws
a larger peak current. That larger current causes a larger voltage
drop across the wiring resistance and robs volt-seconds from that half
primary, restoring the current balance.

This effect can be augmented by adding additional resistance in se-
ries with both primary halves. The added resistors can be located in
either the collectors or emitters of the power transistors. They are best
determined empirically by observing the current pulses in the trans
former center tap. The resistors are usually under 0.25 ).

2.2.8.3 Matching power transistors. Since a volt-second inequality
arises mainly from an inequality in storage time or on voltage in the
power transistors, if those parameters are matched, it adds confidence
that together with the above two “fixes” there will be no problem with
flux imbalance.

This is not a certain or inexpensive fix. It is quite expensive to
match transistors in two parameters. It requires a specialized test set
up to do the matching and this is not available if field replacements
become necessary.

It also must be ascertained that if the matching is done at certain
load currents and room temperature, the matching still holds when
these vary. Further, a storage time match is difficult to make credible
as it depends strongly on forward and reverse base input currents in
the bipolar transistors. Generally, any matching is usually done by
matching V,, and V,, (the on collector-to-emitter and base-to-emitter
voltages) at the maximum operating current. Matching is not a viable
solution for high-volume commercial supplies.

2.2.8.4 Using MOSFET power transistors. Since most of the volt-second
inequality arises from storage time inequality between the two power
transistors, this problem largely disappears if MOSFETs which have
no storage times are used.

Further, there is an added advantage as the on voltage of a
MOSFET transistor increases with temperature. Thus if one half pri-
mary tends to take a larger current, its transistor runs somewhat
warmer and its on voltage increases and steals voltage from the wind-
ing. This reduces the volt-second product on that side and tends to re-
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store balance. This, of course, is qualitatively in the right direction
but cannot be depended on quantitatively and with certainty to solve
the flux-imbalance problem at all power levels and with a worst-case
combination of the two power transistors.

Yet with power MOSFETs, at power levels under 100 W and with a
gapped core, push-pull converters can be built with a high degree of
confidence that there will be no flux imbalance problem.

2.28.5 Using current-mode topology. The best solution to the flux-
imbalance problem is not to use the push-pull topology at all but a
modified two-transistor push-pull version of it. This version—current-
mode topology—has all the advantages of the conventional push-pull,
solves the flux-imbalance problem with certainty, and has significant
advantages of its own.

In conventional push-pull, there is always a residual fear that de-
spite all the fixes, a flux-imbalance problem will arise in some worst-
case situations. One transistor will start drawing more current as its
half primary moves into saturation, and the transistor will be de-
stroyed. Current-mode topology solves this problem by monitoring the
current in each of the push-pull transistors on a pulse-by-pulse basis
and forcing alternate current pulses to have equal amplitude.

Details of current-mode topology will be discussed in a later chapter.

2.2.9 Power transformer design relations

2.29.1 Core selection. Design of the transformer starts with an ini-
tial decision on the selection of a core for the desired total output
power. The available output power from a core depends on operating
frequency, peak operating flux density (B; and B, in Fig. 2.3), the
core’s iron area A, and bobbin area A,, and the current density in each
winding.

Decisions on each of these parameters are interrelated, and choices
are made to minimize the transformer size and its temperature rise.
In Chap. 7 on magnetics, an equation will be derived showing the
maximum available output power from a given core as a function of
the parameters mentioned above.

The equation can be used in a set of iterative calculations, first
making a tentative selection of a specific core, peak flux density, and
operating frequency and calculating the available output power. Then
if the available power is insufficient, a larger-sized core is selected and
the calculations repeated until a core with the required output power
is found.

This is a long and cumbersome procedure, and instead, the equation
is turned into a set of charts which permit a core and operating fre-
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quency to be selected at a glance for any desired output power. Such
equations and charts will be presented for most of the commonly used
topologies in the chapter on magnetics.

But for the present, it will be assumed that these charts will be used
to select a core and its iron area A, is known. The rest of the trans
former design involves calculation of the number of turns on the pri-
mary and secondaries, selection of wire sizes, and calculation of core
and copper losses and transformer temperature rise.

Optimum sequencing of the various layers of wire on the core
bobbin is important in improving coupling between the windings and
reducing copper losses due to “skin” and “proximity” effects. Sequenc-
ing and skin and proximity effects will be discussed in Chap. 7. For
the present, the design will proceed from the known value of the core
iron area A, for the core chosen from the selection charts described
above.

2.29.2 Maximum power transistor on-time selection. Equation 2.1
shows that the converter keeps output voltage V,,, constant by increas-
ing T, as V., decreases. Thus the maximum on time 7', occurs at the
minimum specified DC input voltage V.. But the maximum on time
must not exceed half the switching period. For if it did, the reset volt-
second product would be less than the set volt-second product (Sec.
2.2.5) and after a very few cycles, the core would drift into saturation
and destroy the power transistor.

Moreover, because of storage time in bipolar transistors, the base
drive on time cannot be as large as a full half period. For storage time
would cause the collector voltage on time to overlap with the on time
of the opposite transistor on time. With simultaneous conduction in
the two power transistors, the two half primaries could not support
voltage. For (see Fig. 2.1) the dot end of N,,; would be trying to go neg-
ative and the no-dot end of N,, would be trying to go negative also.
Consequently, there would be no dB/dT in the core and from
Faraday’s law, there could be no voltage across the windings. Thus
each transistor would take large currents at the full supply voltage
and would immediately be destroyed.

Thus, to ensure that the core will always be reset within one pe-
riod and there is never any possibility of simultaneous conduction,
whenever the DC input voltage is at its minimum V, and the feed-
back loop is trying to increase T',, to maintain V, constant, the on
time will be constrained by some kind of a clamp to never be more
than 80 percent of a half period. Then in Eq. 2.1, for specified Vg, T
and for T,, = 0.87/2, the ratio N,,/N, will be fixed to yield the de-
sired output V.

s 3 9N
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2.2.9.3 Primary turns selection. The number of primary turns is deter-
mined by Faraday’s law (Eq. 1.17). From it N, is fixed by the mini-
mum voltage across the primary (V,, — 1) and the maximum on time,
which as above, is to be no more than 0.87/2. Then

(Vi — D(0.8TV2) x 10'*
A, dB

N, =

(2.7

Since A, in Eq. 2.7 is fixed by the selected core, V., and T are spec-
ified and the number of primary turns is fixed as soon as dB (the de-
sired flux change in 0.87/2) is decided on. This decision is made as fol-
lows.

2.29.4 Maximum flux change selection. From Eq. 2.7, it is seen that
the number of primary turns is inversely proportional to dB, the flux
swing. It would seem desirable to maximize dB so as to minimize N,
for fewer turns would mean that larger wire size could be used, result-
ing in higher permissible currents and more output from a given core.
Also, fewer turns would result in a less expensive transformer and
lower stray parasitic capacities.

From the hysteresis loop of Fig. 2.3, however, it is seen that in fer-
rite cores, the loop enters the curved portion above +2000 G. It is de-
sirable to stay below that point as there the magnetizing current
starts increasing exponentially. It might seem, then, that a good
choice is +2000 G if that is not limited by core losses.

Now ferrite core losses increase at about the 2.7th power of the peak
flux density and at about the 1.6th power of the operating frequency.
Up to about 50 kHz, core losses do not prohibit operation to =2000 G
and it would seem desirable at least up to that frequency to operate at
that high peak flux level.

However, for a not easily evident reason, it is preferable to restrict
operation to *1600 G even at frequencies where core losses are not
prohibitive. The explanation is as follows. Faraday’s law solved for the
flux change dB is

(Vg — D(T,,) x 10°°

dB NA

(2.8)

Now Eq. 2.8 says that if N, is chosen for a given dB—say, from
-2000 to +2000 G or a dB of 4000 G, as long as the product of
(Vg = D(T,,) is constant, dB will be constant at 4000 G. Further, if
the feedback loop is working and keeping the output voltage V,, con-
stant, Eq. 2.1 says that (V. — 1)(T,,) is constant and dB will truly re-
main constant. That is, the feedback loop always ensures that when-
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ever Vg, is a minimum, T, is a maximum and there can never be a
situation when T, is a maximum and Vj, is simultaneously a maxi-
mum.

Now in some transient or fault condition even if for a single or pos-
sibly a few cycles, if T, had been a maximum and V. had a transient
step to 50 percent above its normal value and the feedback loop failed
to reduce the on time in accordance with Eq. 2.1, the condition of max-
imum V,, and maximum T, could exist. Equation 2.8 then says that
dB would be 1.5(4000) or 6000 G.

Then if the core had started from the —2000-G point, at the end of
that on time the core would have been driven 6000 G above that or to
+4000 G. Also, the hysteresis loop (Fig. 2.3) shows that at tempera-
tures somewhat above 25°C, it would be deep in saturation and could
not support the applied voltage. The transistor would be subject to
high current and high voltage and would immediately fail.

This situation could arise as can be seen from the circuit in Fig. 2.1
if there were a delay in the response of the error amplifier. The error
amplifier shown in that figure will always eventually correct the on
time so as to keep the product (V4, ~ 1)(T,,) constant in accordance
with Eq. 2.1, for that is how the circuit regulates. But as will be seen
in the chapter on feedback analysis, the error amplifier has a delayin
its response time as its bandwidth is limited to stabilize the feedback
loop.

Thus if even for a single cycle, if the core is subjected to maximum
input voltage and maximum on time as a result of error-amplifier de-
lay, it will saturate and destroy the transistor.

However, if N, in Eq. 2.8 is chosen to yield dB of 3200 G at
Vg4 and T, the design is safer and can tolerate a 50 percent transient
step in input voltage. With dB = 3200 G, if the error amplifier is to
slow to correct the on time, the transient dB will be 1.5(3200) or 4800
G; and if the core started from its normal location of ~1600 G, it will
be driven up to only ~ 1600 + 4800 or + 3200 G. The hysteresis loop of
Fig. 2.3 shows that the core can tolerate that even at 100°C.

Thus the number of primary turns is selected from Eq. 2.7 for
dB = 3200 G even at frequencies where larger flux changes would not
vield excessive core losses. Above 50 kHz, increasing core losses force
a decrease in peak flux density. At 100 to 200 kHz, peak flux density
may have to be limited to 1200 or possibly to 800 G, respectively, &
achieve an acceptably low core temperature rise.

2.2.9.5 Secondary turns selection. Secondary turns for the main and
slave output voltages are selected from ¥qs. 2.1, 2.2, and 2.3. In thos
equations all parameters have already been specified, arbitrarily set,
or calculated. Output voltages, V. and T have been specified. The
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maximum on time T,, has been arbitrarily set at 0.87/2 and N,, has
been calculated from Faraday’s law (Eq. 2.7) for the known A, from
the selected core. Flux change dB has been set at 3200 G for frequen-
cies under 50 kHz and to minimize core losses, at lower values at
higher frequencies as discussed above.

2.210 Primary, secondary peak and
rms currents

Selection of wire sizes for all the windings requires knowledge of the
rms currents they carry. For wire sizes will be selected on the basis of
a conservative value of their operating current density in terms of cir-
cular mils” of area per rms ampere.

2.210.1 Primary peak current calculation. Current drawn from the DC
input source V., may be monitored in the transformer center tap and
has the waveshape shown in Fig. 2.16 and 2.1d. The pulses have the
characteristic ramp-on-a-step waveshape because the secondaries all
have output LC filters as discussed in Sec. 1.3.2. The primary current
is simply the sum of all the secondary ramp-on-a-step currents re-
flected by their turns ratios into the primary plus the magnetizing
current.

As discussed in Sec. 2.2.9.2, at minimum DC input voltage Vi,
transistor on times will be 80 percent of a half period and since there
is one pulse for each half period, the duty cycle of the pulses in Fig. 2.1
is 0.8 at V.. To simplify calculation, the pulses in the figure are as-
sumed to have an equivalent flat-topped waveshape whose amplitude
Iy is the value of the current at the center of the ramp.

Then the input power at Vg, is that voltage times the average cur-
rent, which is 0.8/, and assuming 80 percent efficiency (which is
usually achievable up to 200 kHz), P, = 0.8P;, or

m

Pin = 125PO = Vdc O'SIph

P,
Vd c

Then Ipft = 1.56 (2.9)

This is a useful relation, as it gives the equivalent flat-topped pri-
mary current pulse amplitude in terms of what is known—the output
power and the specified minimum DC input voltage. It permits select-

"A circular mil is the area of a circle 1 mil in diameter. Thus, area in square
inches = (7/4)107° (area in circular mils).
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ing a transistor with an adequate current rating and choosing pri-
mary wire size from the corresponding primary rms current.

2.2.10.2 Primary rms current calculation and wire size selection. Each
half primary carries only one of the I ;; pulses per period and hence its
duty cycle is (0.87/2)/T or 0.4. It is well known that the rms value of a
flat-topped pulse of amplitude I, at a duty cycle D is

Lwe = 1eVD = 1,\V0.4

or

L = 0.6321 (2.10)
and from Eq. 2.9

1.56P, 0.986P,
Vdc - Vdc

Iy, = 0.632 (2.11)

This again gives the rms current in each half primary in terms of
what is known: output power and the specified minimum DC input
voltage.

Now conservative practice in transformer design is to operate the
windings at a current density of 500 circular mils per rms ampere.
There is nothing absolute about this; current densities of 300 circular
mils per rms ampere are frequently used for windings with few turns,
As a general rule, however, densities greater than 300 circular mils
per rms ampere should be avoided as that will cause excessive copper
losses and temperature rise.

Thus at 500 circular mils per rms ampere, the required number of
circular mils for the half primaries is

0.986P,
Vdc

Primary circular mil requirement = 500

o

= 493 A

(2.12)

This, too, is in terms of known values—output power and specified
minimum DC input voltage. Proper wire size can then be chosen from
wire tables at the circular mils given by Eq. 2.12.

2.2.10.3 Secondary peak, rms current, and wire size calculation. Cur-
rents in each half secondary are shown in Fig. 2.6. Note the ledge at
the end of the transistor on time. This ledge of current exists because
there is no free-wheeling diode D1 at the input to the filter inductor as
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Figure 2.6 Output rectifiers serve as free-wheeling diodes in a push-pull circuit. Sec-
ondaries carry the normal free-wheeling “ledge” current during the 20 percent dead
time. This should be considered in estimating secondary copper losses.
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in the buck regulator of Fig. 1.4. In the buck, the free-wheeling diode
was essential as a return path for inductor current when the transis-
tor turned off. When the transistor turned off, the polarity across the
output inductor reversed and its front end would have gone disas-
trously negative if it had not been caught by the free-wheeling diode
at about 1 V below ground. Inductor current then continued to flow
through the free-wheeling diode D1 of Fig. 1.4e.

In the push-pull output stages, however, the function of the free-
wheeling diode is performed by the output rectifiers. When either
transistor turns off, the front end of the inductor tries to go negative,
As soon as it goes about one diode drop below ground, both rectifiers
latch in, each drawing roughly half the total current the inductor had
been drawing just prior to turnoff (Fig. 2.6d and 2.6e). Since the im-
pedance of each half secondary is small, there is negligible drop across
them and the rectifier diode cathodes are caught at about 1 V below
ground.

Thus if half-secondary rms currents are to be calculated exactly, the
ledge currents during the 20 percent dead time should be taken into
account. But as can be seen, they are only about half the peak induc-
tor current and have a duty cycle of (0.4T/2)/T or 0.2. With such small
amplitudes and duty cycle they can be ignored in calculating the half-
secondary rms currents. Each half secondary can then be considered to
have the characteristic ramp-on-a-step waveform, which at minimunm
DC input comes at a duty cycle of (0.8772)/T or 0.4. The magnitude of
the current at the center of the ramp is the DC output current I, as
can be seen from Fig. 2.6f.

As for the primary currents, to simplify calculating rms currents,
the ramp-on-a-step pulses will be approximated by “equivalent flat-
topped” pulses I, whose amplitude is that at the center of the ramp or
the DC output current I, and which come at a duty cycle of 0.4.

Thus rms current in each half secondary is

Lims = 1D = I, V0.4 = 0.6321,, (2.13)

At 500 circular mils per rms ampere, the required number of circu-
lar mils for each half secondary is

Secondary circular mil requirement = 500(0.632)1,,
= 3161, (2.14)

2.2.11 Transistor voitage stress and
leakage inductance spikes

It can be seen from the transformer dots in Fig. 2.1 that when either
transistor is on, the opposite transistor’s collector is subject to at least
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twice the DC supply voltage since both half primaries have an equal
number of turns.

However, the maximum stress is somewhat more than twice the
maximum DC input voltage. The added contribution comes from the
so-called leakage inductance spikes shown in Fig. 2.1a and 2.1¢c. These
come about because there is an effective small inductance (leakage in-
ductance L;) in series with each half primary as shown in Fig. 2.7a.

At the instant of turnoff, current in the transistor falls rapidly at a
rate dI/dT causing a positive-going spike of amplitude E,, = L, dI/dT
at the bottom end of the leakage inductance. Conservative design
practice is to assume the leakage inductance spike may be as much as

Leakage inductances
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Snubber
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Figure 27 (a) Leakage inductances cause the spikes of Fig. 2.1a. (b) Leakage induc-
tance stems from the fact that some of the magnetic flux lines return through a local air
path rather than linking the secondary through the core. (¢) Low-frequency cquivalent
circuit of a transformer showing magnetizing inductance L,, and primary and second-
ary leakage inductances L, and L,,.
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30 percent more than twice the maximum DC input voltage. The tran-
sistors should then be chosen so that they can tolerate with some
safety margin, a maximum voltage stress (V) of

V.. =132V, (2.15)

Magnitude of the leakage inductance is not easily calculable. It can
be minimized by use of a transformer core with a long center leg and
sandwiching the secondary windings (especially the higher current
ones) in between halves of the primary. A good transformer should
have leakage inductance no more than 2 to 4 percent of its magnetiz-
ing inductance.

Leakage inductance spikes can be minimized by addition of a capac-
itor, resistor, and diode (CRD) combination to the transistor collector
as shown in Fig. 2.7a. Such CRD configurations (referred to as “snub-
bers”) also serve the important function of reducing AC switching
losses due to the overlap of falling transistor current and rising volt-
age at the collector. Detailed design of snubbers and some associated
penalties they incur will be discussed in Chap. 11.

Leakage inductance arises from the fact that some of the primary's
magnetic flux lines do not return through the core and couple with the
secondary windings. Instead, they return around the primary winding
through a local air path as seen in Fig. 2.7b.

The equivalent circuit of a core with its magnetizing inductance L,
(Sec. 2.2.6) and primary L, and secondary L, leakage inductances is
shown in Fig. 2.7¢c. Secondary leakage inductance arises from the fact
that some of the secondary current’s magnetic flux lines also do not
couple with the primary but instead link the secondary windings viaa
local air path. But in most cases, the number of secondary turns is
smaller than the primary and L, can be neglected.

The transformer’s equivalent circuit (Fig. 2.7¢) is very valuable in
understanding many odd circuit effects. That equivalent circuit is an
accurate representation up to about 300 or 500 kHz, where shunt par-
asitic capacitors across and between windings must be taken into ac-
count.

2.2,12 Power transistor losses

2.2.12.1 AC switching or current-voltage “overlap” losses. Leakage in-
ductance in the power transformer causes a very rapid collector volt-
age fall time because for a short time at T’ = 0, for a fast current step,
an inductor is an infinite impedance. Since the current cannot change
instantaneously through an inductor, current rises slowly through it.
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Thus there is very little overlap of falling voltage and rising current
at turnon and negligible switching losses.

At turnoff, however, there is significant overlap and a worst-case
scenario such as that for the buck regulator of Fig. 1.5b is assumed.
The exact situation is shown in Fig. 2.8, where it is assumed that the
current hangs on at its equivalent flat-topped peak value I (Sec.
2.2.10.1) for the time it takes the voltage to rise T, to its maximum
value of 2V,,. Then the voltage remains at 2V, during the time it
takes the current to fall from I to zero Ty Assuming T\, = Ty = T
and a switching period T, the total switching dissipation per transis-
tor per period P, ., is

V—dCTs Ly T,
Pt(acJ = Ipft 9 T 2Vdc -2- —7‘;
T,
= 2(Iprt)(Vdc)7
and from Eq. 2.9, I, = 1.56(P,/V,):
Po 3 r Ts
P,,, = 3.12 ‘—/~ Vi ? (2.16)
de
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Figure 28 AC or “overlap” switching losses in push-pull transistor. There are
negligible switching losses at turnon because transformer leakage inductance
causes a very fast voltage fall down and a slow current rise time. This results in
very little overlap of falling voltage and rising current. Worst-case scenario is as-
sumed at turnoff. Current remains constant at its peak I, until voltage rises to
2V,.. The voltage remains at 2V, for the duration of the current fall time T
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2.2.12.2 DC conduction losses. Maximum DC losses per transistor
are simply the on voltage times the on current times the on duty cycle
per transistor, or

0.87/2
T

It will be seen in Chap. 8 on bipolar base drives that a technique
called Baker clamping will be used to reduce transistor storage times.
This forces the collector on potential to be about 1 V over a large range
of current. Then for I, from Eq. 2.9 we obtain

p 0.4 1.56P, 0.624P, .17
o Vdu B Vdc ‘ )

P Ipftvon = 0.4 Ipftvon

and total losses per transistor are

Ptotal = Pt(ac) + Pdc

B 0.624P,
- Vdc & T Vdc

(2.18)

2.2.12.3 Typical losses: 150-W, 50 kHz push-pull converter. It is instruc-
tive to get a feel for the dissipation per transistor in a 150-W push-pull
converter at, say, 50 kHz operating from a standard telephone indus-
try power source. Standard telephone industry power sources provide
a nominal voltage of 48 V, minimum (V) of 38 V and maximum
(V4. of 60 V. It is assumed that at 50 kHz, bipolar transistors will be
used and a reasonable value of the switching time (7 as defined
above) is 0.3 us.
The DC conduction losses from Eq. 2.17 are

P, - 0.6243; 150 _ 946 W

and the AC switching losses from Eq. 2.16 are

150
= —_— X —
P = 3.12 X 28 X 60 20 =11.08 W
Thus the AC overlap or switching losses are about 4.5 times as great
as the DC conduction losses. If MOSFET transistors with switching
times T, of about 0.05 ws, are used, the falling current and rising volt-
age intersect so low down on the current waveform that switching

losses are negligible.
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2.2.13 Output power and input voltage
limitations in push-pull topology

Aside from the flux-imbalance problem in the push-pull topology
{which does not exist in its close cousin, viz., current-mode topology),
its area of usage in output power is limited by Eq. 2.9 and in input
voltage by Eq. 2.15.

Equation 2.9 gives the peak current required of the transistor for a de-
sired output power, and Eq. 2.15 gives the maximum voltage stress on
the transistor in terms of the maximum DC input voltage. Both these re-
lations limit the push-pull to about 300 W. Above that level, it is difficult
to find a bipolar transistor which can meet the peak current and voltage
stresses and be fast enough with adequate gain and low on voltage.

The faster MOSFET transistor with adequately high voltage and
current ratings and sufficiently low on voltage may be too expensive
for commercial applications.

Thus consider a 400-W push-pull converter operating from tele-
phone industry prime voltage source which is 48 V (nominal), 38 V
(minimum), and 60 V (maximum).

Equation 2.9 gives the peak current requirement as [, = 1.56P,/
Vi = 1.56(400)/38 = 16.4 A, and Eq. 2.15 gives the maximum off volt-
agestressas V,,, = 2.6V, = 2.6 x 60 = 156 V. To provide a margin of
safety, a transistor with at least a 200-V rating would be sought.

A potential bipolar transistor candidate for the above supply is pos-
sibly the MJ13330. It has a 20-A peak current rating, V_,, rating of
200V, and V., (the voltage it can sustain if, at the instant of turnoff,
it has a negative bias of —1 to —5 V) rating of 400 V. It can thus meet
the peak voltage and current stresses.

At the 16-A level, it has a maximum on potential of about 3 V, a
minimum gain of about 5, and a storage time of about 1.3 to 4 us.
With these limitations, it would have high DC and AC switching
losses, have difficulty with flux imbalance (unless the current-mode
equivalent version of push-pull were used) and would have difficulty
operating above 40 kHz because of the long storage times.

A potential MOSFET transistor for such an application might be a
MTH30N20. This is a 30-A, 200-V device which at 16 A would have
1.3 V of on drop and hence half the DC conduction losses of the pre-
ceding bipolar transistor. With its rapid current fall time, it would
have negligible AC switching losses. But at $11.50 in quantities above
100, it would be too expensive for commercial applications. The 15-A,
200-V device (MTH15N200) could be used and would cost only $4.10
in quantities above 100. But it would have twice the on drop and twice
the DC conduction losses.
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For off-line converters the push-pull topology is almost always ruled
out by the maximum off voltage stress of 2.6V, (Eq. 2.15). Thus fora
120-V-AC line input with =10 percent tolerance, peak rectified DC
voltage is 1.41 x 1.1 x 120 = 186 V. At the top of the leakage spike,
Eq. 2.15 gives peak off stress as 2.6 X 186 = 484 V.

Transients above the maximum steady-state value must also be
considered. Transients seldom are specified for commercial power sup-
plies, in which case conservative design practice is to assume that
they are 15 percent above the maximum steady-state value. This
would bring the above maximum stress to 1.15 X 484 or 557 V.

Input voltage transients in special cases can be greater than 15 per-
cent above maximum steady-state value. Thus AC input voltage spec
ifications on military aircraft are given by Military Standard 704
That specification gives the nominal voltage as 113 V AC but witha
10-ms transient to 180 V AC. At 180 V AC, the peak off stress from
Eq. 1.42 is 180 x 1.41 x 2.6 or 660 V.

There are many fast bipolar transistors, which can safely sustain
voltages as high as 850 V if they have a reverse input bias of -1 to -5
V at turnoff (V,, rating). But it is unnecessarily dangerous to usea
topology which subjects the off transistor to twice the maximum DC
input plus a 30 percent leakage spike. There are topologies to be de-
scribed below which subject the off transistor to only the maximum
DC input voltage with no leakage spike. These are a better choice—
not only because of the lesser voltage stress but also because the
smaller voltage excursion at turnoff produces less electromagnetic in-
terference (EMI).

2.2.14 Output filter design relations

2.2.14.1 Output inductor design. It was pointed out in Sec. 2.2.4 that
in both master and slave outputs the output inductors should not be
permitted to go discontinuous. Recall that the discontinuous mode
situation commences when the front end of the inductor current
ramp of Fig. 1.6b has dropped to zero and that this occurs when the
DC current has dropped to half the ramp amplitude dI (Sec. 1.3.6).
Then (see Fig. 2.9)

on

dl = 21 VT
=2y = Vi

Ton
=(Vi- V)7~ (2.19)

o 4

But V, = V,(2T,/T). Then

v.T

Ton = 2V1
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Figure 29 Output circuit for calculation and L,, C,. When V, at its mini-
mum, N, will be chosen so that as V1 is at its minimum, T, will not have
to be greater than 0.87/2 to yield the specified value of V.

But N, will be chosen so that T',,, will be 0.87/2 when V,_ and con-
sequently V, are at their minima. Then

S— v.T
T, = 08T _ or V, = 1.25V,

2 2V,
and
(1.25V, - V )(0.8T/2) 0.05V,T
= 21, and S
- de

dl = L

Then if the minimum current I, is specified as one-tenth the nom-
inal current I, (the usual case)
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0.5V,T
L =

(2.20)
on
where L, is in henries
V, is in volts
T is in seconds
is minimum output current in amperes
I, is nominal output current in amperes

2.2.14.2 Output capacitor design. The output capacitor C, is selected
to meet the maximum output ripple voltage specification. In Sec. 1.3.7
it was shown that the output ripple is determined almost completely
by the magnitude of the ESR (equivalent series resistance, R,) in the
filter capacitor and not by the magnitude of the capacitor itself. The
peak-to-peak ripple voltage V., is very closely equal to

V,=R,dI (2.21

where d! is the selected peak-to-peak inductor ramp amplitude.

However, it was pointed out that (for aluminum electrolytic capac
itors) the product R,C, has been observed to be relatively constant
over a large range of capacitor magnitudes and voltage ratings. For
aluminum electrolytics, the product R,C, ranges between 50 and
80 x 107% Then C, is selected as

C - 80 x 1078 _ 80 x 1078
° R, V./dl

(80 x 1075%(dI)
=

r

(222
where C, is in farads for dI in amperes (Eq. 2.19) and V, is in volts.

2.3 Forward Converter Topology
2.3.1 Basic operation

Forward converter topology is shown in Fig. 2.10. It is probably the
most widely used topology for output powers under 150 to 200 W when
maximum DC input voltage is in the range of 60 to 200 V. Belowa
maximum of 60 V, for the associated minimum input voltage, the re
quired primary input current becomes uncomfortably large. Abovea
maximum DC input voltage of about 250 V, the maximum voltag
stress on the transistor becomes too large. Above a required output
power of 200 W, at any DC input voltage, the required primary input
current becomes too large. Mathematical explanations for these limi
tations will be shown in the discussions to follow.
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Figure 210 Forward converter topology. Showing feedback loop closed around one mas-
ter N, which is regulated against line and load changes. Also two semiregulated slaves
(V. and V,,) which are regulated against line changes only.

The topology is an outgrowth of the push-pull circuit of Fig. 2.1 but
does not suffer from the latter’s major shortcoming of flux imbalance.
Since it has one rather than two transistors, compared to the push-
pull, it is more economical in dollars and required space.

As for the push-pull, Fig. 2.10 shows a master output V,

and two

om
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slaves, V; and V,,. A negative-feedback loop is closed around the
master and controls the @1 on time so as to keep V,,, constant against
line and load changes. With an on time fixed by the master feedback
loop, the slave outputs V,,, V,, are kept constant against input voltage
changes but only partly (to about 5 to 8 percent) against load changes
either in themselves or in the master. The circuit works as follows.

In the forward converter, one of the transistors of the push-pull of
Fig. 2.1 has been replaced by the diode D1. When @1 is turned on, the
dot end of the primary power winding N, and of all secondaries go pos-
itive with respect to their no dot ends. Current and power flows into
the dot end of N,,. All rectifier diodes D2 to D4 are forward-biased and
current and power flows out of the dot ends of all secondaries to the LC
filters and the loads.

Note that power flows to the loads when the power transistor @1 is
turned on—thus the term forward converter. The push-pull and buck reg-
ulator also deliver power to the loads when the power transistors are on
and are also forward types. In contrast, the boost regulator, the polarity
inverter of Figs. 1.10 and 1.14, and the flyback type (to be discussed ina
later chapter) store energy in an inductor or transformer primary when
the power transistor is on and deliver it to the load when the transistor
turns off. Such energy storage topologies can operate in either the dis-
continuous or continuous mode. They are fundamentally different from
forward topologies, are discussed in Secs. 1.4.2 and 1.4.3, and will be
taken up again in Chap. 4 on flyback topology.

Now, for a @1 on time of T, the voltage at the master rectifier
cathode (Fig. 2.10b) is at a high level for T',,,. Assuming a 1-V on volt-
age for @1 and a rectifier on forward drop of V,,, that high-level volt-
age V. is

Vomr = l:(VdC - 1) Fm} - VD2 (223)

P

The circuitry after the rectifier diode cathodes is exactly like that of
the buck regulator of Fig. 1.4. Diodes D5 to D7 act like the free-
wheeling diode D1 of that figure. When @1 turns off, current stored in
the magnetizing inductance of T'1 (recall the equivalent circuit of a
transformer as in Fig. 2.7¢) reverses the polarity of the voltage across
N,. Now all the dot ends of primary and secondary windings go neg-
ative with respect to their no-dot ends. If not for “catch’” diode D1, the
dot end of N, would go very far negative and since N, and N, have
equal turns (usually), the no-dot end of N, would go sufficiently posi-
tive to avalanche @1 and destroy it.

However, catch diode D1 catches the dot end of N, at one diode drop
below ground. If there were no leakage inductance in 7'1 (recall again
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Figure 211 Critical secondary currents in forward converter. Each secondary has the
characteristic ramp-on-a-step waveshape because of the fixed voltage across the output
inductor and its constant inductance. Inductor current is the sum of the secondary plus
the free-wheeling diode current. It ramps up and down about the DC output current.
Primary current is the sum of all the ramp-on-a-step secondary currents reflected by
their turns ratios into the primary. Primary current is then also at ramp-on-a-step
waveform.

the equivalent circuit of a transformer as in Fig. 2.7¢), the voltage across
N, would equal that across N,. Assuming that the 1-V forward drop
across D1 can be neglected, the voltage across N, and N,, is V3, and the
voltage at the no-dot end of N, and at the Q1 collector is then 2V
Recall, now, that within one cycle, if a core has moved in one direc-
tion on its hysteresis loop, it must be restored to exactly its original
position on the loop before it moves in the same direction again in the
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next cycle. For otherwise, after many cycles, the core will be pushed in
one direction or another into saturation. It will not be able to support
the applied voltage and the transistor will be destroyed.

In Fig. 2.10, it is seen that when @1 is on for a time T, N, is sub-
jected to volt-second product V. T, with its dot end positive. That
volt-second product is the area A1l in Fig. 2.10. By Faraday’s law (Eq.
1.17), that volt-second product causes—say, a positive—f{lux change
dB = (V4 T,/N,A,)107° gauss.

At turnoff, when the magnetizing inductance has reversed the po-
larity across N, and kept its no dot-end at 2V, long enough for the
volt-second area product A2 in Fig. 2.10 to equal area A1, the core has
been restored to its original position on the hysteresis loop and the
next cycle can safely start. In the common jargon expression, the “re-
set volt-seconds” has equaled the “set volt-seconds.”

Now when @1 has turned off, the dot ends of all secondaries go
negative with respect to their no-dot ends. Current in all output in-
ductors L1 to L3 try to decrease. Since current in inductors cannot
change instantaneously, the polarity across all inductors reverses
in an attempt to maintain constant current. The front end of the
inductors try to go far negative but are caught at one diode drop
below output ground by free-wheeling diodes D5 to D7 (Fig. 2.10)
and rectifier diodes D2 to D4 are reverse-biased. Inductor current
now continues to flow in the same direction through its output end,
returning through the load, partly through the filter capacitor, and
up through the free-wheeling diode back into the inductor.

Voltage at the cathode of the main diode rectifier D2 is then as
shown in Fig. 2.116. It is high at a level of [(Vy, - D)(N,,/N,)] = Vi,
for time T, and for a time T' - T, it is one free-wheeling diode(D5)
drop below ground. The LC filter averages this waveform, and assum-
ing that the forward drop across D5 equals that across D2(=V,), the
DC output voltage at V, is

Nm Ton
Vom = {((Vdc - 1) N‘“) - Vd:l T (2.24)

p

2.3.2 Design relations: output/input
voltage, on time, turns ratios

The negative-feedback loop senses a fraction of V,,, compares it to a
reference voltage V.., and varies T, so as to keep V,,, constant for
any changes in V. or load current.

From Eq. 2.24, it can be seen that as V. changes, the feedback loop
keeps the output constant by keeping the product V4 T, constant.
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Thus maximum T, (T,,,) will occur at minimum specified V4,(V,.) and
Eq. 2.24 can be rewritten for minimum DC input voltage as =~

N, T,
v, = [((Vdc -1) V) - Vd] - (2.25)
- P

In relation 2.25, a number of design decisions must be made in the
proper sequence. First, the minimum DC input voltage V. is speci-
fied. Then the maximum permitted on time 7', which occurs at V.
(minimum V) will be set at 80 percent of a half period.

This is done to ensure (Fig. 2.10) that the area A2 can equal Al. For
if on time were permitted to go to a full half period, A2 would just
barely equal A1 at the start of the next full cycle. Now small increases
in on time due to storage time changes with temperature or produc-
tion spreads in storage time would not permit A2 to equal Al. The
core would not be completely reset to its starting point on the hyster-
esis loop, it would drift up into saturation after some cycles and de-
stroy the transistor.

Next the number of primary turns N, will be established from
Faraday's law (Eq. 1.17) for V4. and a certain specified flux change dB in
the time T. Limits on that flux change are similar to those described
for the push-pull topology in Sec. 1.5.9 and will also be discussed below.

Thus in Eq. 2.25, Vi, T\, T, and V, are specified and N, is calcu-
lated from Faraday’s law. That fixes the number of main secondary
turns N,, to achieve the required main output voltage V..

2.3.3 Slave output voltages

The slave output filters L2, C2 and L3, C3 average the width-
modulated rectangular waveforms at their respective rectifier cath-
odes. The waveform upper levels are (V. — D(N/N,)] - V3 and
[Vae = DWN42/N,)] = V4, respectively. At their lower level, voltages
are one diode drop below ground. They are at their high level for the
same maximum T, as the main secondary when the input DC input
voltage is at its specified minimum V.. Then again assuming that the
forward rectifier and free-wheeling diode drops are equal V, the slave
output voltages at low line V,_ are

T

on

Nsl
Va= [((Vdc -1 N ) ~.Vd] (2.26)

P

V,, = [((E - 1) NSZ) - Vd} Lo (2.27)

~

N, T

P
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m» the feedback loop keeps V, T, constant.
But that same product appears in Egs. 2.26 and 2.27 and hence the
slave outputs remain constant as V, varies.

It can be seen from Eq. 2.24 and Fig. 2.14 that the negative-
feedback loop keeps the main output constant for either line or load
changes by appropriately controlling 7', so that the sampled output is
equal to the reference voltage V. This is not obvious for load changes
as load current does not appear directly in Eq. 2.24. But it does appear
indirectly. For load changes will change the on drop of @1 (assumed as
1 V heretofore) and the forward drop in the rectifier diode. These,
though small, will cause small changes in the output voltage, be
sensed by the error amplifier, and be corrected for by a small change
inT,,.

Moreover, as can be seen in Eqs. 2.26 and 2.27, changes in T, with-
out corresponding changes in V. will cause changes in the slave out-
put voltages. Slave output voltages also change with changes in their
own load currents. As those currents change, the rectifier forward
drops change, causing a change in the peak voltage at the input to the
LC averaging filter. Slave output voltages will change as peak volt-
ages to the averaging filter change without a corresponding change in
T

Now in regulating V.

Such changes in the slave outputs for load changes in the master and
slave can be kept to within 5 to 8 percent. But as discussed in Sec. 2.24,
neither master nor slave output inductors must be permitted to go dis-
continuous at their minimum load currents. This is done by choosing the
output inductors appropriately large, as will be described below.

The number of slave secondary turns N, Ny, is calculated from
Eqs. 2.26 and 2.27 as all parameters there are either specified or cal-
culated from specified values. The parameters V., T, and V, are all
specified and T, is set at 0.87/2 as discussed above; N, is calculated
from Faraday’s law (Eq. 1.17) as described above.

2.3.4 Secondary load, free-wheeling diode,
and inductor currents

Knowledge about the amplitude and waveshape of the various output
currents is needed to select secondary and output inductor wire sizes
and current ratings of the rectifier and free-wheeling diodes.

As described for the buck regulator in Sec. 1.3.2, secondary current
during the @1 on time has the shape of an upward-sloping ramp sit-
ting on a step (Fig, 2.11c) because of the constant voltage across the
inductor with its input end positive with respect to the output end.

Now when @1 turns off, the input end of the inductor is negative
with respect to the output end and inductor current ramps downward,



Push-Pull and Forward Converter Topologies 73

The free-wheeling diode, at the instant of turnoff, picks up exactly the
inductor current which had been flowing in it just prior to turnoff.
That diode current then ramps downward (Fig. 2.11d) as it is in series
with the inductor. Inductor current is the sum of the secondary cur-
rent when @1 is on plus the free-wheeling diode current when @1 is off
and is shown in Fig, 2.11e. Current at the center of the ramp in either
of Fig. 2.11¢, 2.11d, or 2.11e is equal to the DC output current.

2.3.5 Relations between primary current,
output power, and input voitage

Assume an efficiency of 80 percent from the DC input voltage node to
the total output power from all secondaries. Then P, = 0.8P;, or
P,, = 1.25P,. Now calculate Py, at minimum DC input voltage V..
That input power is V,, times the average primary current at mini-
mum DC input.

Now all secondary currents have the waveshape of a ramp sitting on
a step as all secondaries have output inductors. These ramp-on-a-step
waveforms have a width of 0.87/2 at minimum DC input voltage. All
these secondary currents reflect into the primary by their turns ratio,
and hence the primary current pulse is a single ramp-on-a-step
waveform of width 0.877/2. There is only one such pulse per period (see
Fig. 2.10) as this is a single-transistor circuit. The duty cycle of this
primary pulse is then (0.87/2)/T or 0.4.

Now as for the push-pull topology, approximate this ramp-on-a-step
by an equivalent flat-topped pulse I, of the same width and whose
amplitude is that at the center of the ramp. The average value of this
current is then 0.4/ 4. Then

3.13F,
Pin = 125P0 = Vdc(0-4lpft) or Ipft =

Ve Td:‘ (2.28)

This is a valuable relation. It gives the equivalent peak flat-topped
primary current pulse amplitude in terms of what is known at the out-
set—the minimum DC input voltage and the total output power. This
permits an immediate selection of a transistor with adequate current
rating and gain if it is a bipolar transistor or with sufficiently low on
resistance if it is a MOSFET type.

It can be seen that for a forward converter, Eq. 2.28 shows I is
twice the value required in a push-pull topology (Eq. 2.9) at the same
output power and minimum DC input voltage.

This is obvious as in the push-pull there are two pulses of current or
power per period as compared to a single pulse in the forward con-
verter. In the forward converter from Eqn. 2.25, if the number of sec-
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ondary turns is chosen large enough, then the maximum on time at
minimum DC input voltage will not need to be greater than 80 per-
cent of a half period. Then, as seen in Fig. 2.10, the area A2 can al-
ways equal A1 before the start of the next period. The core is then al-
ways reset to the same point on its hysteresis loop within one cycle
and can never walk up into saturation.

But the penalty paid for this guarantee in the forward converter,
that flux walking cannot occur is that the primary peak current is
twice that for a push-pull at the same output power. In the push-pul],
with all the precautions described in Sec. 2.2.8, there is never com-
plete certainty that flux imbalance does not occur under unusual dy-
namic load or line conditions.

2.3.6 Maximum off-voltage stress in
power transistor

In the forward converter, with the number of turns on the reset N,
winding equal to that on the power winding N,, maximum off-
voltage stress on the power transistor is twice the maximum DC in-
put voltage plus a leakage spike. Leakage inductance spikes, and
their origin and minimization have been discussed in Sec. 2.2.11.
Conservative design, even with all precautions to minimize leakage
spikes, should assume they may be 30 percent above twice the max-
imum DC input voltage. Maximum off-voltage stress is then the
same as in the push-pull and is

V.. = 1.32V,) (2.29)

2.3.7 Practical input voltage/output
power limits

At the outset in Sec. 2.3.1 it was stated the practical maximum output
power limit for a forward converter whose maximum DC input voltage
is under 60 V is about 150 to 200 W. This is so because the peak pri-
mary current as calculated from Eq. 2.28 becomes excessive as there i
only a single pulse per period as compared to two in the push-pull to-
pology.

Thus consider a 200-W forward converter for the telephone industry
where the specified minimum and maximum input voltages are 38
and 60 V, respectively. Peak primary current from Eq. 2.28 i
g = 3.13P,/V,, = 3.13(200)/38 = 16.5 A and from Eq. 2.29, maxi-
mum off voltage stress is V. = 2.6V, = 2.6 x 60 = 156 V,

To provide safety margin, a device with at least a 200-V rating
would be used to provide protection against input voltage transients
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which could drive the DC input above the maximum steady-state
value of 60 V.

Transistors with 200-V, 16-A ratings are available, but they all
have drawbacks as was discussed in Sec. 2.2.13. Bipolar transistors
are slow, and MOSFETSs are easily fast enough but expensive. For
such a 200-W application, a push-pull version guaranteed to be free
from flux imbalance would be preferable; with two pulses of current
per period, peak current would be only 8 A. With the lower peak cur-
rent, noise spikes on ground buses and the radio-frequency interfer-
ence (RFI) would be considerably less—a very important consideration
for a telephone industry power supply. Such a flux imbalance free to-
pology is “current mode,” which is discussed later.

The forward converter topology, like the push-pull (discussed in Sec.
2.2.13), has the same difficulty in coping with maximum voltage
stress in an off-line converter where the AC input voltage is 120 +10
percent. At high line, the rectified DC input is 1.1 x 120 x 1.41 = 186
V minus 2 V for the rectifier diode drops or 184 V. From Eq. 2.29 the
maximum voltage stress on the transistor in the off state is
V. =26x184 = 478 V.

At minimum AC input voltage, the rectified DC output is
Vi = (0.9 x 120 x 1.41) ~ 2 = 150 V, and from Eq. 2.28, the peak
primary current is I = 3.13 x 22/150 = 4.17 A,

Thus, for a 200-W off-line forward converter, the greater problem is
more the 478-V maximum voltage stress than the 4.17-A peak pri-
mary current stress—for, as was seen in Sec. 2.2.13, when a 15 percent
input transient is taken into account, the peak off voltage stress is 550
V. With a bipolar transistor operating under V., conditions (reverse
input bias of -1 to =5 V at the instant of turnoff), a voltage stress of
even 550 V is not a serious restriction. There are many devices with
650- to 850-V V_, ratings and which have high gain, low on drop, and
high speed at 4.17 A. But, as discussed in Sec. 2.2.13, there are pref-
erable topologies, discussed below, which subject the off transistor to
only Vg, and not twice V.

2.3.8 Forward converter with unequal
power and reset winding turns

Heretofore, it has been assumed that the numbers of turns on the
power winding N, and the reset winding N, are equal. Some advan-
tages result if N, is made smaller or larger than N,

The number of primary power turns N, is always chosen by Faraday’s
law and will be discussed in Sec. 2.3.10.2. If N, is chosen less than N,
the peak current required for a given output power is less than that
calculated from Eq. 2.28, but the maximum @1 off-voltage stress is
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greater than that calculated from Eq. 2.29. If N, is chosen larger than
N,, the maximum @1 off-voltage stress is less than that calculated
from Eq. 2.29, but the peak primary current for a given output power
is greater than that calculated from Egq. 2.29. This can be seen from
Fig. 2.12 as follows. When @1 turns off, polarities across N, and N,
reverse, the dot end of N, goes negative and is caught at ground by
catch diode D1. Transformer T'1 is now an autotransformer. There isa
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Figure 212 Forward converter—collector-to-emitter voltages for N, = N,. Note in al
cases that reset volt-second product equals set volt-second product. (a) Switching fre-
quency; (b) N, = N; (¢} N, > N,; (d) N, <N.,.
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voltage V4, across N, and hence a voltage N,/N, (V) across N,. The
core is set by the volt-second product V. T, during the on time and
must be reset to its original place on the hysteresis loop by an equal
volt-second product. That reset volt-second product is N,/N, (V4.)T,.

When N, equals N,, the reset voltage equals the set voltage and the
reset time is equal to the set time (area Al = area A2) as seen in Fig.
2.12b. For N, = N,, the maximum Q1 on time which occurs at mini-
mum DC input voltage is chosen as 0.87/2 to ensure that the core is
reset before the start of the next period; T, + T, is then 0.87.

Now if N, is less than N, the resetting voltage is larger than V.
and consequently T, can be smaller (area A3 = area A4) as shown in
Fig. 2.12c. With a shorter T,, T, can be longer than 0.87/2 and
Ton t T, can still be 0.8T so that the core is reset before the start of
the next period. With a longer T, the peak current is smaller for the
same average current and the same average output power. Thus in
Fig. 2.12¢, as compared to Fig. 2.12b, a smaller peak current stress
has been traded for a larger voltage stress,

With N, greater than N, the reset voltage is less than V.. Then if
Ton + T, is still to equal 0.87, and the reset volt-seconds is to equal
the set volt-seconds (area A5 = area A6 in Fig. 2.12d), T, must be
longer and T, must be shorter than 0.87/2 as the reset voltage is less
than the set voltage. With T’ less than 0.877/2, the peak current must
be higher for the same average current. Thus in Fig. 2.12d, a lesser
voltage stress has been achieved at the cost of a higher peak current
for the same output power as in Fig. 2.12b. This can be seen quanti-
tatively as

N
SetT,, + T, = 0.8T;  reset voltage = V, = =2 V. (2.30)

N,
For on volt-seconds equal to reset volt-seconds
Vael'on = . VaT, (2.31)
N,
Combining Egs. 2.30 and 2.31
Ty = ﬁ%ﬁp (2.32)

For 80 percent efficiency Py, = 1.25P, and P;, at V. = Vi, (l,,) = Vg,
Lg(Ton)/T or Iy = 1.25(P,/Vy J(T/T,y). Then from Eq. 2.32

o

Vdc

Iy = 1.56 ( ) (1 + N,/N,) (2.33)
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and the maximum Q1 off voltage stress V_.—exclusive of the leakage
spike—is the maximum DC input voltage V. plus the reset voltage
(voltage across N, when the dot end of NV, is at ground). Thus

_ . . N
Vs = Vi + 17" (Vi) = Voo (1 + NN, (2.34)
Values of I, and V,,; calculated from Egs. 2.33 and 2.34 are
NN, I (from Eq. 2.33) Vs (from Eq. 2.34)
0.6 2.50P,/V,,) 2.67V,, + leakage spike
0.8 2.81(P./V,.) 225V, + «
1.0 3.12P,/V,) 200V, + «
1.2 3.43(P,/Vy,) 183Vge + ¢ ‘
1.4 3.74(P /V,) 171V, + © “
16 4.06(P,/V,) 1.69V,, + © g

2.3.9 Forward converter magnetics

2.3.9.1 First-quadrant operation only. The transformer core in the for-
ward converter operates in the first quadrant of the hysteresis loop
only. This can be seen in Fig. 2.10. When @1 is on, the dot end of T1is
positive with respect to the no-dot end and the core is driven, say, ina
positive direction on the hysteresis loop and the magnetizing current
ramps up linearly in the magnetizing inductance.

When @1 turns off, stored current in the magnetizing inductance re-
verses the polarity of voltages on all windings. The dot end of N, goes
negative until it is caught one diode drop below ground by catch diode
D1. Now the magnetizing current which really is stored in the mag
netic core continues to flow. It simply transfers from N, where it had
ramped upward during the @1 on time, into N,. It flows out of the no-
dot end of N, into the positive end of the supply voltage V., out of the
negative end of V,_, through the anode, then through the cathode o .
D1, and back into N,.

During the @1 off time, as the dot end of IV, is positive with respec
to its no-dot end, the magnetizing current I; ramps linearly downward
as can be seen in Fig. 2.10. When it has ramped down to zero (at the :
end of area A2 in Fig. 2.10), there is no longer any stored energyin .
the magnetizing inductance and nothing to hold the dot end of N, be
low the D1 cathode. The voltage at the dot end of N, starts rising te
ward V., and that at the no-dot end of N, (@1 collector) starts falling
from 2V back down toward V.

Thus operation on the hysteresis loop is centered about half the '
peak magnetizing current (V. T',,/2L,,). Nothing ever reverses thedi -
rection of the magnetizing current—it simply builds up linearly toa -
peak and relaxes back down linearly to zero.



Push-Pull and Forward Converter Topologies 79

This first-quadrant operation has some favorable and some unfavor-
able consequences. First, compared to a push-pull circuit, it halves the
available output power from a given core. This can be seen from Faraday’s
law (Eq. 1.17), which fixes the number of turns on the primary.

Solving Faraday’s law for the number of primary turns, N, = E dt/
A,dB x 1078 If dB in the forward converter is limited to an excursion
from zero to some B, . instead of from -B, ., to +B,,., as in a push-
pull topology, the number of primary turns for the forward converter
will be twice that in each half primary for a push-pull operating from
the same V.. Although the push-pull has two half primaries, each of
which must support the same volt-second product as the forward con-
verter, the push-pull offers two power pulses per period as compared to
one for the forward converter. The end result is that a core used in a
forward converter offers only half the available output power it is ca-
pable of in a push-pull configuration.

But the push-pull core at twice the output power will run somewhat
warmer as its flux excursion is twice that of the forward converter.
Since core losses are proportional to the area of the hysteresis loop tra-
versed, the push-pull core losses are twice that of the forward converter.

Yet total copper losses in both half primaries of a push-pull are no
greater than that of the forward converter of half the output power.
For the rms current in each push-pull half primary is equal to that in
the forward converter of half the output power. But since the number
of turns in each push-pull half primary is half that of the forward con-
verter of half the output power, each push-pull half primary has half
the resistance of the forward converter. Thus, total copper losses of a
forward converter is then equal to the total losses of the two half pri-
maries in a push-pull of twice the output power.

2.3.9.2 Core gapping in a forward converter. In Fig. 2.3, the hysteresis
loop of a ferrite core with no air gap is shown. It is seen that at zero
magnetizing force (0 Oe) there is a residual magnetic flux density of
about £1000 G. This residual flux is referred to as remanence.

In a forward converter, if the core started at 0 Oe and hence at 1000
G, the maximum flux change dB possible before the core is driven up
into the curved part of the hysteresis loop is about 1000 G. It is desir-
able to stay off the curved part of the hysteresis loop, and hence the
forward converter core with no air gap is restricted to a maximum dB
of 1000 G. As shown above, the number of primary turns is inversely
proportional to dB. Such a relatively small dB requires a relatively
large number of primary turns. A larger number of primary turns re-
quires smaller wire size and hence decreases the current and power
available from the transformer.

By introducing an air gap in the core, the hysteresis loop is tilted as
shown in Fig. 2.5 and magnetic remanence is reduced significantly.
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The hysteresis loop tilts over and still crosses the zero flux density at
the same point on the H axis (referred to as coercive force. Coercive
force for ferrites is seen to be about 0.2 Oe in Fig. 2.3. An air gap of
about 2 to 4 mils will reduce remanence to about 200 G for most cores
used at a 200- to 500-W output power level. With remanence of 200 G,
the permissible dB before the core enters the curved part of the hys
teresis loop is now about 1800 G and fewer turns are permissible.

However, there is a penalty paid in introducing an air gap. Figure
2.5 shows the slope of the hysteresis loop tilted over. The slope is dB/
dH or the core permeability, which has been decreased by adding the
gap. Decreasing permeability has decreased the magnetizing induc-
tance and increased the magnetizing current (I, = VT, /L,,). Mag-
netizing current contributes no output power to the load; it simply
moves the core across the hysteresis loop and is wasteful if it exceeds
10 percent of the primary load current.

2.3.9.3 Magnetizing inductance with gapped core. Magnetizing induc
tance with a gapped core can be calculated as follows. Voltage across
the magnetizing inductance is L,, dI,,/dt and from Faraday’s law:

_Ldl, NAdB_ . _NAdB
“©= g T dt or m =TI

1078 (2.35)

m

where L,, = magnetizing inductance, H

N,, = number of primary turns
A, = core area, cm”
dB = core flux change, G

dI,, = change in magnetizing current, A
Now a fundamental law in magnetics is Ampere’s law:

[ - di = 0.4mNT

This states that if a line is drawn encircling a number of ampere
turns NI, the dot product H - dl along that line is equal to 0.4=NI If
the line is taken through the core parallel to the magnetic flux lines
and across the gap, since H is uniform at a level H; within the core and
uniform at a value H, across the gap, then

Hl + Hl, = 0.4vNI,, (2.36)

where H; = magnetic field intensity in iron (ferrite), Oe
{; = length of iron path, cm

magnetic field intensity in air gap, Oe

. = length of the air gap, cm

I, = magnetizing current, A

il

Il

(\Am
non
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However, H; = B,/u, where B, is the magnetic flux density in iron and
u is the iron permeability; H, = B, as the permeability of air is 1; and
B, = B;(flux density in iron = flux density in air) if there is no fring-
ing flux around the air gap. Then Eq. 2.36 can be written as
0.4wNI,
YL+ Lju

Then dB/dI,,, = 0.4wN/(l, + l,/u), and substituting this into Eq. 2.35

B,
:L_l,‘ + Bila = 0.4T7Np1m or (237)

_ 0.4m(N,)*A, x 10°°
- 1+ L/u

(2.38)

m

Thus, introducing an air gap of length [, to a core of iron path
length /; reduces the magnetizing inductance in the ratio of

Lm (with gap) _ lz/u

Lm (without gap) la + li /u’

{2.39)

It is instructive to consider a specific example. Take an interna-
tional standard core such as the Ferroxcube 783E608-3C8. It has a
magnetic path length of 9.7 cm and an effective permeability of 2300.
Then if a 4-mil (= 0.0102-cm) gap were introduced into the magnetic
path, from Eq. 2.39

L ___ 97230 .
m (with gap) 00102 + 97/2300 m (without gap)

= 0.29L

m (without gap)

A useful way of looking at a gapped core is to examine the denom-
inator in Eq. 2.38. In most cases, u is so high that the term [;/u is
small compared to the air gap /, and the inductance is determined pri-
marily by the length of the air gap.

2.3.10 Power transformer design relations

2.3.10.1 Core selection. As discussed in Sec. 2.2.9.1 on core selection
for a push-pull transformer, the amount of power available from a core
for a forward converter transformer is related to the same parame-
ters—peak flux density, core iron and bobbin areas, frequency, and
coil current density in circular mils per rms ampere.

In Chap. 7, an equation will be derived giving the amount of avail-
able output power as a function of these parameters. This equation
will be converted to a chart which permits selection of core size and
operating frequency at a glance.
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For the present, it is assumed that a core has been selected and its
iron and bobbin area are known.

2.3.10.2 Primary turns calculation. The number of primary turns is
calculated from Faraday’s law as given in Eq. 2.7. Recall (Sec. 2.3.9.2)
that in the forward converter, with a gapped core, flux moves from
about 200 G to some higher value B, ... As in the push-pull topology,
this peak value will be set at 1600 G for ferrites even at low frequen-
cies where core losses are not a limiting factor.

This, as discussed in Sec. 2.2.9.4, is to avoid the problem of a much
larger and dangerous flux swing resulting from rapid changes in DC
input voltage or load current. Such rapid changes are not immediately
corrected for because the limited error-amplifier bandwidth does not
permit a rapid correction in the power transistor on time.

During the error-amplifier delay, the peak flux density can, for a num-
ber of cycles, go up to as high as 50 percent above the calculated for nor-
mal steady-state operation. This can be tolerated if the normal peak flux
density in the absence of a line or load transient is set to a low value of
1600 G. As discussed above, the excursion from approximately zero to
1600 G will take place in 80 percent of a half period to ensure that the
core can be reset before the start of the next period (Fig. 2.125).

Thus the number of primary turns is set by Faraday’s law at

(Vg — 1(0.87/2) x 107

N, = A dB (2.40)
where V., = minimum DC input, V
T = operating period, s

A, = iron area, cm?

dB = 1600 G

2.3.10.3 Secondary turns calculation. Secondary turns are calculated
from Eqs. 2.25 to 2.27. In those relations, all values except the second-
ary turns are specified or already calculated. Thus (Fig. 2.10):

V4. = minimum DC input, V

T,, = maximum on time, s ( = 0.87/2)
N,,, N, N,, = numbers of main and slave turns
number of primary turns

rectifier forward drop

P

Vu

Usually the main output is a high-current 5-V one for which a
Schottky diode of 0.5 V is used. The slaves usually have higher output
voltages which require the use of diodes with higher reverse-voltage
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ratings. Such fast-recovery higher-reverse-voltage diodes have for-
ward drops of 1.0 V over a large range of currents.

2.3.10.4 Primary rms current and wire size selection. Primary equiva-
lent flat-topped current is given by Eq. 2.28. That current flows a
maximum of 80 percent of a half period out of each full period, and
hence its maximum duty cycle is 0.4. Recalling that the rms value of a
flat-topped pulse of amplitude I, is I,,,, = 1,VT,,,/T, the rms primary
current is

3.12P,
Irms (primary) = Vv 0.4
de

_1.97P, 041
- Vdc ( . )

If the wire size is chosen on the basis of 500 circular mils per rms
ampere, the required number of circular mils is

500 x 1.97P,

Circular mils needed =
Vdc

_985P,

= v (2.42)

23.10.5 Secondary rms current and wire size selection. It is seen in Fig.
2.11 that the secondary current has the characteristic shape of a ramp
on a step. The pulse amplitude at the center of the ramp is equal to the
DC output current. Thus the equivalent flat-topped secondary current
pulse at V. (when its width is a maximum) has an amplitude of I, a
width of 0.87/2, and a duty cycle of (0.87/2)/T or 0.4. Then

Irms (secondary) = Idc \Z 04
= 0.632[, (2.43)

and at 500 circular mils per rms ampere, the required number of cir-
cular mils for each secondary is

Circular mils needed = 500 x 0.6321,
= 3161, (2.44)

2.3.10.6 Reset winding rms current and wire size selection. The reset
winding carries only magnetizing current, as can be seen by the dots
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in Fig. 2.10. When @1 is on, diode D1 is reverse-biased and no current
flows in the reset winding. But magnetizing current builds up linearly
in the power winding N,. When @1 turns off, that magnetizing cur-
rent must continue to flow. When @1 current ceases, the current in
the magnetizing inductance reverses all winding polarities. When the
dot end of N, reaches ground, the magnetizing current transfers from
N, to N, and continues flowing through the DC input voltage source
V4. out from the negative end of V. through D1 and back into N,
Since the no-dot end of N, is positive with respect to the dot end, the
magnetizing current ramps downward to zero as seen in Fig. 2.10.

The waveshape of this NV, current is the same as that of the magne-
tizing current which ramped upward when @1 was on, but it is re-
versed from left to right. Thus the peak of this triangle of current is
I, (magnetizing) = VdCK/ng, where L. is the magnetizing inductance
with an air gap as calculated from Eq. 2.39. The inductance without
the gap is calculated from the ferrite catalog value of A,, the induc
tance per 1000 turns. Since inductance is proportional to the square of
the number of turns, inductance for n turns is L, = A;(n/1000). The
duration of this current triangle is 0.87/2 (the time required for the
core to reset), and it comes at a duty cycle of 0.4.

It is known that the rms value of a repeating triangle (no spacing be-
tween successive triangles) of peak amplitude I, is I, = ][)/\/5. But
this triangle comes at a duty cycle of 0.4, and hence its rms value is

VdcTon A/ 0.4

= 0.365

mg

and at 500 circular mils per rms ampere, the required number of cir-
cular mils for the reset winding is

VdcTon

Circular mils required = 500 x 0.365 "z — (2.45)

mg

Most frequently, magnetizing current is so small that the reset
winding can be done with wire sizes smaller than No. 30 wire (AWG),

2.3.11 Output filter design relations

The output filters L1C1, L2C2, and L3C3 average the peak voltage at
the rectifier cathodes. The inductor is selected so as not to go discon-
tinuous (Sec. 1.3.6) at the minimum DC output current. The capacitor
is selected to yield a minimum specified output ripple voltage.
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2.3.11.1 Output inductor design. It will be recalled from Sec. 1.3.6 that
the discontinuous mode condition occurs when the front end of the in-
ductor current ramp drops to zero (Fig. 2.10). Since the DC output cur-
rent is the value at the center of the ramp, discontinuous mode starts
at a minimum current I, equal to half the ramp amplitude dI as can
be seen in Fig. 2.10.

Now referring to Fig. 2.11:

(Ve = VoTo (Vie = VU(Ton)

d1=2&=““'ff“”“ or Ll = o7,

But V, = V. T, /T. Then

L1 = v.r Vv, T,
_(T i ")%c

on

_V{TIT,, - DT,
- 2Idc

But T, = 0.87/2 . Then

_o3v,T

1= .
I, (2.46)

and if minimum DC current I, is one-tenth the nominal output cur-
rent I, then o

3v,T
I

on

L1

(2.47)

2.3.11.2 Output capacitor design. It was seen in Sec. 1.3.7 that the
output ripple is almost completely determined by the equivalent se-
ries resistance R, of the filter capacitor. The peak-to-peak ripple am-
plitude V. is V. = R, dI, where dI is the peak-to-peak ripple current
amplitude chosen by the selection of the ripple inductor as discussed
above. Then assuming as in Sec. 1.3.7 that the average value of R,C,
for aluminum electrolytic capacitors of a large range of voltage and
capacitance ratings is given by R,C, = 65 x 107°:

C, = 65 x 10°%R,

dl
= _6
65 x 107 (2.48)

ar

where dI is in amperes and V_, is in volts for C, in farads.
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2.4 Double-Ended Forward
Converter Topology

2.4.1 Basic operation

Double-ended forward converter topology is shown in Fig. 2.13. Al
though it has two transistors rather than one compared to the single-
ended forward converter of Fig. 2.10, it has a very significant advan-
tage. In the off state, both transistors are subjected to only the DC
input voltage rather than twice that as in the single-ended converter.
Further, at turnoff, there is no leakage inductance spike.

It was pointed out in Sec. 2.3.7 that the off-voltage stress in the
single-ended forward converter operating off a nominal 120-V-AC line
can be as high as 550 V when there is a 15 percent transient above a
10 percent steady-state high line and a 30 percent leakage spike.

A D2

Switching
frequency

- - -l %

Q1,Q2 Q1,Q2 Q1, Q2 Q1,Q2
on on on on

Figure 2.13 Double-ended forward converter. Transistors @1 and Q2 are
turned on and off simultaneously. Diodes D1 and D2 keep the maximum off
voltage stress on @1, Q@2 at a maximum of V. as contrasted with 2V, plus a
leakage spike for the single-ended forward converter of Fig. 2.10.
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Although there are a number of bipolar transistors with V__, rat-
ings up to 650 and even 850 V which can take that stress, it is a far
more reliable design to use the double-ended forward converter
with half the off-voltage stress. Reliability is of overriding impor-
tance in a power supply design, and in any weighing of reliability
versus initial cost, the best and—in the long run—least expensive
choice is reliability.

Further, for power supplies to be used in the European market
where the AC voltage is 220 V (rectified DC voltage is nominally
about 308 V), the single-ended forward converter is not usable at all
because of the excessive voltage stress on the off transistor (Eq. 2.29).
The double-ended forward converter and the half bridge and the full
bridge (to be discussed in Chap. 3) are the only choices for equipment
to be used in the European market.

The double-ended forward converter works as follows. In Fig. 2.13,
@1 and @2 are in series with the top and bottom of the transformer
primary. Both of these transistors are turned on simultaneously and
turned off simultaneously. When they are on, all primary and second-
ary dot ends are positive and power is delivered to the loads. When
they turn off, current stored in the 71 magnetizing inductance re-
verses polarity of all windings. The dot end of N, tries to go far neg-
ative but is caught at ground by diode D1. The no-dot end of N, tries
to go far positive but is caught at V,_ by diode D2.

Thus the emitter of @1 can never be more than V,, below its collec-
tor, and the collector of @2 can never be more than V,_ above its emit-
ter. Leakage inductance spikes are clamped so that the maximum
voltage stress on either transistor can never be more than the maxi-
mum DC input voltage.

The further significant advantage is that there is no leakage induc-
tance energy to be dissipated. Any energy stored in the leakage induc-
tance is not lost by dissipation in some resistive element or in the
power transistors. Instead, energy stored in the leakage inductance
during the on time is fed back into V. via D1 and D2 when the tran-
sistors turn off. The leakage inductance current flows out of the no-dot
end of N, through D2, into the positive end of V., out of its negative
end, and up through D1 back into the dot end of N,.

Examination of Fig. 2.13 reveals that the core is always reset with
the reset time equal to the on time. For the reverse polarity voltage
across N, when the transistors are off is equal to the forward polarity
voltage across it when the transistors are on. Thus the core will al-
ways succeed in being fully reset with a 20 percent safety margin be-
fore the start of a next half cycle if the maximum on time is never re-
quired to be greater than 80 percent of a half period. This is done by
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choosing enough secondary turns so that the peak secondary voltage
at minimum V), times the maximum duty cycle of 0.4 equals the de-
sired output voltage (Eq. 2.25).

2.4.1.1 Practical output power limits. It should, however, be noted that
this topology still yields only one power pulse per period just as the
single-ended forward converter. Thus the power available from a spe-
cific core is pretty much the same regardless of whether the single- or
double-ended configuration is used. As noted in Sec. 2.3.10.6, the reset
winding in the single-ended circuit carries only magnetizing current
during the power transistor off time. Since that current is small, the
reset winding can most often be done with No. 30 wire or narrower.
Thus the absence of a reset winding in the double-ended circuit does
not permit significantly larger power winding wire size and any more
output power from a given core.

But because the maximum off transistor voltage stress cannot be

greater than the maximum DC input voltage, the 200-W practical
power limit for the single-ended forward converter discussed in Sec.
2.3.7 no longer holds. With the reduced voltage stress offered by the
double-ended forward converter, output powers of 400 to 500 W are ob-
tainable and transistors with the required voltage and current capa-
bility are easily available at adequate gain and low price.
- Thus consider a double-ended forward converter operating off a
nominal 120-V-AC line with +10 percent steady-state tolerance and a
+15 percent tolerance on top of that. Maximum rectified DC voltage is
141 x 120 x 1.1 x 1.15 = 214 V, minimum rectified DC voltage is
1.41 x 120 x 0.9 x 0.85 = 130 V, and equivalent flat-topped primary
current from Eq. 2.28 is [4 = 3.13P,/Vy,, and for P, =400 W,
Iy =96 A

Many transistors (bipolar and MOSFET) with a 214-V, 9.6-A rating
are easily and inexpensively available with adequately high gain.

A better alternative using the double-ended forward converter
would be to use a voltage doubler off the 120-V-AC line (Fig. 3.1). This
would double the voltage stress to 428 V and half the peak current to
4.8 A. With 4.8 A of primary current, RFI problems would be less se-
vere. A bipolar transistor with a 400-V V_ rating could easily take
428 V if it had a ~1- to -5-V reverse bias at the instant of turnoff
(Vv rating).

2.4.2 Design relations and transformer design

2.4.21 Core selection—primary turns and wire size. The transformer
design for the double-ended forward converter proceeds exactly as for
the single-ended converter. A core is selected from the aforementioned
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selection charts (to be presented in Chap. 7 on magnetics) for the re-
quired output power and operating frequency.

The number of primary turns is chosen from Faraday’s law as in Eq.
2.40. There the minimum primary voltage is (V,, — 2) as there are
two transistors rather than one in series with the primary—but that
is insignificant as V. is usually 130 V (120 V AC). Maximum on time
is taken as 0.87/2 and dB is taken as 1600 G up to about 50 kHz or
even to a higher frequency if not limited by core losses.

As mentioned, in the region of 100 to 300 kHz, peak flux density
may have to be lowered down to about 1400 or possibly to 800 G as
core losses increase with frequency. But the exact peak flux density
chosen depends on whether the newer, lower-loss materials are avail-
able. It also depends to some extent on transformer size—smaller cores
can generally operate at higher flux density as they have a larger ratio of
radiating surface area to volume and hence can more easily get rid of the
heat they generate (which is proportional to volume).

Since there is only one current or power pulse per period as in the
single-ended forward converter, the primary current for a given out-
put power and minimum DC input voltage is given by Eq. 2.28 and
the primary wire size is chosen from Eq. 2.42.

24.2.2 Secondary turns and wire size. Secondary turns are chosen ex-
actly as in Secs. 2.3.2 and 2.3.3 from Eqs. 2.25 to 2.27. Wire sizes are
calculated as in Sec. 2.3.10.5 from Eq. 2.44.

24.2.3 Output filter design. The output inductor and capacitor magni-
tudes are calculated exactly as in Sec. 2.3.11 from Eqgs. 2.46 to 2.48.

2.5 Interleaved Forward Converter Topology

2.5.1 Basic operation—merits, drawbacks,
and output power limits

This topology is simply two identical single-ended forward converters
operating on alternate half cycles with their secondary currents add-
ing through rectifying or diodes. The topology is shown in Fig. 2.14.

The advantage, of course, is that now there are two power pulses per
period as seen in Fig. 2.14 and each converter supplies half the total
output power.

Equivalent flat-topped peak transistor current is given by Eq. 2.28
asly = 3.13 P,,/2V4. where P is the total output power. This is half
the transistor current if the same total output power were being pro-
duced with only a single forward converter. Thus the expense of two
transistors is somewhat balanced by the fact that each has a lower
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Figure 2.14 Interleaved forward converter. Interleaving the on time of @1 and Q2 on
alternate half cycles and summing their secondary output gives two power pulses per
period but avoids the flux imbalance problem of the push-pull topology.
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peak current rating and may be less expensive than the single one at
twice the current rating.

Or looking at it another way, if two transistors of the same current
rating were used and at the same peak current as one single-ended
converter which had been designed for a given output power, the in-
terleaved converter would yield twice the output power of the single
converter.

Also, since the intensity of EMI generated is proportional to the
peak currents, not to the number of current pulses, an interleaved
converter of the same total output power as a single forward converter
will generate less EMI.

The two transformers are each smaller than one for a single forward
converter of the same output power. But the two together will most
likely occupy more volume and cost more than the single transformer.

Thus, although there are some pluses and some minuses, a major
advantage of the interleaved forward converters remains that it yields
twice the output power of a single, single-ended forward converter op-
erated at the same peak current in the transistor.

If this topology is compared to a push-pull, it might be thought that
the push-pull is preferable. Although both are two-transistor circuits,
the two transformers in the interleaved forward converter are most
probably more expensive and occupy more space than a single large
one in a push-pull circuit. But there is the ever-present uncertainty
that the flux imbalance problem in the push-pull has not disappeared
under odd transient line and load conditions.

The certainty that there is no flux imbalance problem in the inter-
leaved forward converter is probably the best argument for its use.

There is one special, although not frequent case, where the inter-
leaved forward converter is a much more desirable choice than a sin-
gle forward converter of the same output power. This occurs when a
DC output voltage is high—over about 200 V. In a single forward con-
verter, the peak reverse voltage experienced by the output free-
wheeling diodes (D5A or D5B) is twice that for an interleaved forward
converter as the duty cycle in the latter is twice that in the former.

This is no problem when output voltages are low, as can be seen in
Eq. 2.25. Transformer secondary turns are always selected (for the
single forward converter) so that at minimum DC input, when the sec-
ondary voltage is at its minimum, the duty cycle T, /T need not be
more than 0.4 to yield the desired output voltage. Then for a DC out-
put of 200 V, the peak reverse voltage experienced by the free-
wheeling diode is 500 V. At the instant of power transistor turnon, the
free-wheeling diode has been carrying a large forward current and
will suddenly be subjected to reverse voltage. If the diode has slow re-
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verse recovery time, it will draw a large reverse current for a short
time at 500-V reverse voltage and run dangerously hot.

Generally, diodes with larger reverse voltage ratings have slower
recovery times and can be a serious problem in such a case. The inter-
leaved forward converter runs at twice the duty cycle and for a 200-
V-DC output, subjects the free-wheeling diode to only 250 V. This per-
mits a lower voltage, faster-recovery diode and reduces its dissipation
considerably.

2.5.2 Transformer design relations

2.5.2.1 Core selection. The core will be selected from the aforemen-
tioned charts, to be presented in Chap. 7. But they will be chosen for
half the total power output as each transformer supplies half the out-
put power.

2.5.2.2 Primary turns and wire size. The number of primary turns in the
interleaved forward converter is still given by Eq. 2.40 as each convert-
er’s on time will still be 0.877/2 at minimum DC input. The core iron area
A, will be read from the catalogs for the selected core. Primary wire size
will be chosen from Eq. 2.42 at half the total output power.

2.5.2.3 Secondary turns and wire size. The number of secondary turns
will be chosen from Eqs. 2.26 and 2.27, but therein the duty cycle will
be 0.8 as there are two voltage pulses, each of duration 0.87/2 at V,
Wire size will still be chosen from Eq. 2.44 where I, is the actual DC
output current as each secondary carries that current at a maximum
duty cycle of 0.4,

2.5.3 Output filter design

2.5.3.1 Output inductor design. The output inductor sees two current
pulses per period exactly like the output inductor in the push-pull to-
pology. These pulses have the same width, amplitude, and duty cycle
as the push-pull inductor at the same DC output current. Hence the
magnitude of the inductance is calculated from Eq. 2.20 as for the
push-pull inductor.

2.5.3.2 Output capacitor design. Similarly, the output -capacitor
“doesn’t know” whether it is filtering a full-wave push-pull waveform
from a push-pull topology secondary or from an interleaved forward
converter. Thus for the same inductor current ramp amplitude and
permissible output ripple as the push-pull circuit, the capacitor is se-
lected from Eq. 2.22.



Chapter

Half- and Full-Bridge
Converter Topologies

3.1 Introduction

Half- and full-bridge topologies subject their transistors in the off
state to a voltage stress equal to the DC input voltage and not to twice
that as do the push-pull, single-ended, and interleaved forward con-
verter topologies. Thus the bridge topologies are used mainly in off-
line converters where twice the rectified DC would be more than the
usual switching transistors could safely tolerate. Bridge topologies
hence are almost always used where the nominal AC input voltage is
220 V or higher and frequently for 120 V AC.

An additional valuable feature of the bridge topologies is that pri-
mary leakage inductance spikes (Figs. 2.1, 2.10) are easily clamped to
the DC supply bus and any energy stored in the leakage inductance is
returned to the input bus instead of having to be dissipated in some
resistive element.

3.2 Half-Bridge Converter Topology
3.2.1 Basic operation

Half-bridge converter topology is shown in Fig. 3.1. Its major advan-
tage is that, just as the double-ended forward converter, it subjects the
off transistor to only V4, and not twice that as do the push-pull and
singled forward converter. It is thus widely used in equipment in-
tended for the European market, where the AC input voltage is 220 V.

First consider the input rectifier and filter in Fig. 3.1. It is the uni-
versally used scheme when equipment is to be used with minimum
changes either on 120-V-AC American or 220-V-AC European power.
The circuit always yields roughly 320 V of rectified DC voltage

93
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Figure 3.1 Half-bridge converter. One end of the power transformer is connected to the
junction of filter capacitors C1, C2 via a small DC blocking capacitor C,. The other end
is connected to the junction of @1, @2 which turn on and off on alternate half cycles.
With S1 in the lower position, the circuit is a voltage doubler; in the upper position, it
is a full wave rectifier. Rectified output is thus always about 308 to 336 VDC.

whether input is 120 or 220 V AC. It does this by setting switch S1 to
the upper position for 220-V-AC input or to the lower position for 120-
V-AC input. The S1 component is not actually a switch; it is a linkage
which is either made or not made to the lower position depending on
whether the input is 120 or 220 V AC.

With the switch in the upper, 220-V-AC position, the circuit is a
full-wave rectifier with filter capacitors C1 and C2 in series. It pro-
duces a peak rectified DC voltage of about (1.41 x 220) — 2 or 308 V.
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When the switch is in the lower 120-V-AC position, the circuit acts as
a voltage doubler. On the first half cycle of the input voltage, when,
say, A is positive relative to B, the top end of C1 is charged positively
via D1 to a peak of (1.41 x 120) — 1 or to 168 V. On the next negative
half ecycle, when A is negative with respect to B, the top end of capac-
itor C2 is charged positively via D2 to 168 V. The total output across
C1 and C2 in series is then 336 V. It can be seen in Fig. 3.1 that with
either transistor on, the off transistor is subjected only to the maxi-
mum DC input voltage and not twice that. .

Now since the topology subjects the off transistor to only V4. and not
2V4., there are very many bipolar and MOSFET inexpensive transis-
tors which can tolerate a nominal 336 DC V or even its maximum—a
15 percent high value of 386 V. Thus the equipment can be used off
either 120 or 220 V AC with a simple switch or linkage change.

Assuming a nominal rectified DC voltage of 336 V, the topology
works as follows. Ignore, for the moment, the small series blocking
capacitor Cp. The bottom end of N, can thus be assumed connected
to the junction of C1 and C2. To a close approximation, if leakages
in C1, C2 are assumed equal, that point will be at half the rectified
DC voltage or about 168 V. It is generally good practice to place
equal bleeder resistors across C1 and C2 to equalize their drop. Now
@1 and @2 are switched on at alternate half cycles. When @1 is on
and @2 off (Fig. 3.1), the dot end of N, is 168 V positive with respect
to its no-dot end and the off stress on @2 is only 336 V. When Q2 is
on and @1 off, the dot end of N, is 168 V negative with respect to its
no-dot end and the emitter of @1 is 336 V negative with respect to
its collector.

This AC square-wave primary voltage produces full-wave square
waveshapes on all secondaries—exactly like the secondary voltages in
the push-pull topology. The selection of secondary voltages, wire sizes,
and the output inductor and capacitor proceeds exactly as for the
push-pull circuit.

3.2.2 Half-bridge magnetics

3.2.2.1 Maximum on time, magnetic core, primary turns selection. It can
be seen in Fig. 3.1, that if @1 and @2 are simultaneously on—even for
a very short time—there is a dead short circuit across the supply volt-
age and the transistors will be destroyed. The maximum @1 or §2 on
time, which occurs at minimum DC supply voltage, will then be set at
80 percent of a half period to ensure that this does not happen. Sec-
ondary turns will be chosen so that the desired output voltages are ob-
tained at an on time of no more than 0.87/2. An on-time clamp will be
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provided to ensure that under fault conditions, on time can never be
greater than 0.877/2.

The core is selected from the earlier mentioned tables (to be pre-
sented in Chap. 7). These tables give maximum available output
power as a function of operating frequency, peak flux density, core and
iron area, and coil current density.

With a core selected and its iron area known, the number of primary
turns is calculated from Faraday's law (Eq. 1.17) for the minimum pri-
mary voltage (V4./2) — 1, the maximum on time of 0.87/2. The value
of dB in Faraday’s law is taken as twice the desired peak flux density
(1600 G below 50 kHz or less at higher frequency). The flux excursion
dB is twice the desired peak value as the half-bridge core operates in
the first and third quadrants of its hysteresis loop—unlike the forward
converter, which (Sec. 2.3.9) operates in the first quadrant only.

3.2.2.2 Relation between primary current, output power, and input volitage.
Assume an efficiency of 80 percent. Then

Input power = P, = 1.25P,

But the input power at minimum supply voltage is the minimum
primary voltage times the average primary current at minimum DC
input. At minimum DC input, on time in each half period will be a
maximum and will be selected as 0.8T/2 as discussed above. Since at
minimum DC input, the primary has two current pulses per period T,
of width 0.87/2, and at a voltage V, /2, the input power is 1.25P, =
(Vao/2)U )(0.8T/T), where I is the peak equivalent flat-topped pri-
mary current pulse. Then

3.13P,

Lot hatt bridgey = Td“‘ 3.1)

3.22.3 Primary wire size selection. Primary wire size in the half
bridge is much larger than in a push-pull circuit of the same output
power. But there are two half primaries for the push-pull, each of
which has to support twice the voltage of a half bridge operated from
the same supply voltage. Consequently, coil sizes for the two topolo-
gies are not much different. Half-bridge primary rms current is
Iims = I,V 0.8T/T, and from Eq. 3.1

_ 2.79P,

rms V
de

(3.2)
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At 500 circular mils per rms ampere, the required number of circu-
lar mils is

500 x 2.79P,

Circular mils needed =
Vdc

_ 1395P,

=V, (3.3)

3.2.2.4 Secondary turns and wire size selection. The number of second-
ary turns will be selected from Eqgs. 2.1 to 2.3 for T, = 0.87/2 and the
term V4 -1 replaced by the minimum primary voltage, which is
(V/2) = 1.

" The secondary rms currents and wire sizes are calculated from Eqgs.
2.13 and 2.14 exactly as for the full-wave secondaries of a push-pull
circuit.

3.2.3 Output filter calculations

The output inductor and capacitor are selected from Eqs. 2.20 and 2.22
for the same inductor current ramp amplitude and desired output rip-
ple voltage as in a push-pull circuit.

3.2.4 Blocking capacitor to avoid
flux imbalance

In Fig. 3.1, a small capacitor C, is seen in series with the primary. Its
purpose is to avoid the flux-imbalance problem discussed in connec-
tion with the push-pull circuit (Sec. 2.2.5). Recall that flux imbalance
occurs if the volt-second product across the primary when the core was
set (moved in one direction along the hysteresis loop) is different from
the volt-second product when it had moved in the opposite direction.
Thus, if the junction of C1 and C2 is not exactly at half the supply
voltage, the voltage across the primary when @1 is on will differ from
the voltage across it when @2 is on. The core can then walk up or
down the hysteresis loop into saturation and destroy the transistors.
The preceding description of the cause of flux imbalance is simply
another way of stating that it comes about because there is a DC cur-
rent bias in the primary. To avoid the DC current bias, the small DC
blocking capacitor is placed in series in the primary. Selection of the
magnitude of the capacitor is done as follows. If the capacitor is made
too small, it will charge up as the primary current I flows into it.
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Figure 3.2 The small blocking capacitor C, in series with the half-bridge
primary (Fig. 3.1) is needed to prevent flux imbalance if the junction of the
filter capacitors is not exactly at the midpoint of the supply voltage. Pri-
mary current charges the capacitor, causing a droop in the primary voltage
waveform. Droop should be kept to no more than 10 percent. (dV is permis-
sible droop in primary voltage due to charging of blocking capacitor.)

Whatever voltage it charges up to robs voltage from the flat-topped
primary pulse shown in Fig. 3.2.

This robs volt-seconds from all secondary windings and forces a
longer on time to achieve the desired output voltage. In general, it is
desirable to keep the primary voltage pulses as flat-topped as possible.

Assume a permissible droop dV. The equivalent flat-topped current
pulse which causes that droop is I, of Eq. 3.1. Then since that current
flows for 0.877/2, the required capacitor magnitude is simply

Ly X 0.8T/2
dv

It is instructive to consider an example. Assume a 150-W half
bridge operating at 100 kHz from a nominal DC input of 320 V. At 15
percent low line, it is 272 V and the primary voltage is +272/2 or
=136 V.

A tolerable droop in the flat-topped primary voltage pulse is about
10 percent or about 14 V. For 150 W and V of 272V, I ¢ is, from Eq.
3.1, I, = 8.13 x 150/272 = 1.73 A. Then from Eq. 3.4, C, = 1.73 X
0.8 x 5 x 107%/14 = 0.49 pF. The capacitor must, of course, be a non-
polarized type.

Cb = (3.4)

3.2.5 Half-bridge leakage inductance problems

Leakage inductance spikes, which are so troublesome in the single-
ended forward converter and push-pull topology, do not exist in the
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half bridge. This is so because any such spikes become clamped to V,
by diodes D5, D6 across transistors @1, Q2.

Thus, if @1 is on, load and magnetizing current flow through it,
through the T'1 leakage inductance, the paralleled T'1 magnetizing in-
ductance, and the secondary load impedances reflected by their turns
ratio squared into the primary and thence through C,, into the C1, C2
junction. The dot end of N, is positive with respect to its no-dot end.

Now, when @1 turns off, the magnetizing inductance forces all
winding polarities to reverse. The dot end of T'1 tries to go far negative
and if it did, would put more than V, across @1 and might damage it
and also might damage @2 by imposing a reverse voltage across if.
But the dot end of T'1 is caught by diode D6 and can go no more neg-
ative than the negative end of V.

Similarly, when Q2 is on, it stores current in the magnetizing in-
ductance. The dot end of N, is negative with respect to the no-dot end
(which is close to Vy./2). When @2 turns off, the magnetizing induc-
tance reverses all winding polarities and the dot end of N, tries to go
far positive but is caught at V. by clamp diode D5. Any energy stored
in the leakage inductance during the on times is returned to V, via
diodes D5, D6.

3.2.6 Double-ended forward converter
versus half bridge

Both the half-bridge and double-ended forward converter (Fig. 2.13)
subject their off transistors to only V. and not twice that. They are
thus both candidates for power supplies to be used in the European
market where the prime power is 220 V AC. They both have been used
in such applications in enormous numbers, and it is instructive to con-
sider the relative merits and drawbacks of each approach.

The major and probably the most significant difference between the
two approaches is that the half-bridge secondary provides a full-wave
output as compared to a half wave in the forward converter. Thus the
square-wave frequency in the half-bridge secondary is twice that in
the forward converter, and hence the output LC inductor and capaci-
tor are smaller with the half bridge.

Peak secondary voltages are higher with the forward converter as
their duty cycle is half that of the half bridge. But this is significant
only if DC output voltages are high—above 200, as discussed in Sec.
2.5.1.

There are twice as many turns on the forward converter primary as
on the half bridge as the former must sustain the full supply voltage
as compared to half that voltage for the half bridge. The fewer turns
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on the half bridge primary may reduce its winding cost and result in
lower parasitic capacities.

One final marginal factor in favor of the half bridge is that the coil
losses in the primary due to the proximity effect (Sec. 7.5.6.1) are
slightly lower than in the forward converter.

Proximity effect losses are due to induced eddy currents in one
winding layer by currents in adjacent layers. Proximity losses in-
crease rapidly with the number of winding layers and the forward con-
verter may have more layers. The half-bridge primary has half the
turns of a double-ended forward converter primary of equal output
power operating from the same DC supply voltage. But this is bal-
anced somewhat by the larger required wire size for the half bridge.
Thus the required number of circular mils for a forward converter pri-
mary is given by Eq. 2.42 as 985P,/ V. and for a half bridge by Eq. 3.3
as 1395P,/V,.

In a practical case, the lower proximity effect losses for the half
bridge may be only a marginal advantage. Proximity effect losses will
be discussed in detail in Chap. 7.

3.2.7 Practical output power limits in half bridge

Peak primary current and maximum transistor off-voltage stress de-
termine the practical maximum available output power in the half
bridge. This limit is about 400 to 500 W for a half bridge operating off
120-V-AC input in the voltage-doubling mode of Fig. 3.1. This is equal
to that for the double-ended forward converter as discussed in Sec.
2.4.1.1 and can be seen as follows. The peak equivalent flat-topped pri-
mary current is given by Eq. 3.1 as I = 3.13P,/Vy. For a +10 per-
cent steady-state tolerance with a 15 percent transient on top of that,
the maximum off-voltage stress is V3, = 1.41 x 120 x 2 x 1.1 X 1.15
or 428 V. The minimum DC input voltage is V, = 1.41 x 120 x
2x0.9x0.85=259V, T

Thus, for—say—500 W output, Eq. 3.1 gives the peak primary cur-
rent as I4 = 3.13 X 500/259 = 6.04 A, and there is a large choice of
transistors—either MOSFETs or bipolars—with 428-V, 6-A ratings.
Bipolars, of course, would have to have a —1- to —5-V reverse bias (to
permit V., rating) at turnoff to permit a safe off voltage of 428 V.
Most adequately fast transistors at that current rating have only a
Voo rating of 400 V.,

The half bridge can be pushed to 1000-W output, but at the required
12-A rating, most available bipolar transistors with adequate current
ratings and speed have too low a gain. MOSFET transistors at the re-
quired current and voltage rating have too large an on drop and are
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too expensive for most commercial applications at the time of this
writing.

Above 500 W, the topology to consider is the full bridge, a small
modification of the half bridge, capable of twice its output power.

3.3 Full-Bridge Converter Topology
3.3.1 Basic operation

Full-bridge converter topology is shown in Fig. 3.3. It is shown with
the same voltage-doubling—full-wave bridge rectifying scheme as was
shown for the half bridge (Sec. 3.2.1). It can be used as an off-line con-
verter from a 440-V-AC line.
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Figure 3.3 Full-bridge converter topology. Power transformer T'1 is bridged between the
junction of @1, @2 and @3, Q4. Transistors Q2, @3 are switched on simultaneously for
an adjustable time during one half period; then transistors @4, @1 are simultaneously
on for an equal time during the alternate half period. Transformer primary voltage is a
square wave of V.. This compares to the = V. /2 primary voltage in the half bridge
and yields twice the available power.of the half bridge.
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Its major advantage is that the voltage impressed across the pri-
mary is a square wave of =V, compared to +V /2 for the half bridge.
Further, the maximum transistor off-voltage stress is only the maxi-
mum DC input voltage—just as for the half bridge. Thus, for transis-
tors of the same peak current and voltage ratings, the full bridge is
able to deliver twice the output power of the half bridge.

The transformer primary turns must, of course, be chosen as twice
that of the half bridge as it must sustain twice the primary voltage.
But for the same output power as a half bridge, from the same DC sup-
ply voltage, the peak and rms currents are half that of the half bridge
as the transformer primary supports twice the voltage of that in the
half bridge. With twice the primary turns but half the rms current,
the full-bridge transformer size is identical to that of the half bridge at
equal output powers. But with a larger transformer, the full bridge
can deliver twice the output of the half bridge with transistors of iden-
tical voltage and current ratings.

In Fig. 3.3 is shown a master output, V,, and a single slave, V,,;. The
circuit works as follows. Diagonally opposite transistors (@2 and ¢3 or
@4 and Q1) are turned on simultaneously during alternate half cycles.
Assuming that the on drop of the transistors is negligible, the trans-
former primary is driven with an alternating polarity square wave of
amplitude V,, and on time ¢ ,, determined by the feedback loop.

The feedback loop senses a fraction of V,, and with its width modula-
tor controls ¢, so as to keep V_, constant against line and load changes.
The slave outputs as in all other topologies are kept constant against AC
line input changes, but to within only 5 to 8 percent against load
changes. Output voltages, assuming 1-V on drop in each switching tran-
sistor and 0.5 V forward drop in the master output Schottky rectifiers,
1.0-V forward drops in the slave output rectifiers are

Nom 2.,
Vom = | (Vg — 2) N 0.5 T (3.50)
P
Nsm 2ton
Vom = Vdc N T (35b)
b
Nsl 2ton
Vv, = [(Vdc -2)% - 10| (3.60)
p
Ns 2ton
Va=Vagr (3.60)
p

As in all the other regulators, of course, as V3, goes up or down by a
given percentage, the width modulator decreases or increases the on
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time by the same percentage so as to keep the product (Vy)(,,) and
hence output voltages constant.

3.3.2 Full-bridge magnetics

3.3.2.1 Maximum on time, core, and primary turns selection. In Fig. 3.3
it can be seen that, just as in the half bridge, if two transistors verti-
cally stacked above one another (as 3 and @4 or @1 and @Q2) are si-
multaneously on, there would be a dead short circuit across the DC
supply bus and the transistors would fail. To ensure against this, the
maximum on time f,, which occurs at minimum DC input voltage
Vs—as can be seen in Eqs. 3.5b and 3.6b—will be chosen as 80 percent
of a half period. This, of course, is “chosen” by choosing the turns ra-
tios N /N, N,y/N, so that in those equations for V,, and ., equal to
0.87/2, the correct output voltages—V,,,, V ,—are obtained.

The magnetic core and operating frequency are chosen from the
core-frequency selection chart in Chap. 7. With a core selected and its
iron area A, known, the primary turns number N, is chosen from
Faraday’s law (Eq. 1.17). In Eq. 1.17, E is the minimum primary volt-
age (V,, — 2) and dB is the flux change desired in the time dt of 0.87/
2. And as discussed in Sec. 2.2.9.4, dB will be chosen as 3200 G (~1600
to +1600 G) for frequencies of up to 50 kHz and lesser excursions at
higher frequencies as core losses increase.

3.3.2.2 Relation between primary current, output power, and input voltage.
Assume an efficiency of 80 percent from the primary input to the total
output power. Then P, = 0.8P,, or P;, = 1.25P,,.

But at minimum DC input voltage Vy., on time per half period is
0.8T/2 and duty cycle over a complete period is 0.8. Then neglecting
the power transistor on drops, input power at V4 is

Py, = V4 (0.8) = 1.25P,

| Ls6P,
or =
" Ve

3.7

where [ is the equivalent primary flat-topped current as described in
Sec. 2.2.10.1.

3.3.2.3 Primary wire size selection. Current I, flows at a duty cycle
of 0.8 and hence its rms value is I,,,, = I,V 0.8. Then, from Eq. 3.7 =
(1.56P,/Vy) V0.8 or
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I = 1.40P,
rms T Vdc

(3.8)

And at 500 circular mils per rms ampere, the required number of
circular mils is

500 x 1.40P,

Circular mils needed =
Vdc

_ 700P,
- Vdc

3.9

3.3.2.4 Secondary turns and wire size. The number of turns on each
secondary is calculated from Eq. 3.5a and 3.5b, where £, is 0.87/2 for
the specified minimum DC input V., N, is as calculated in Sec.
3.3.2.1, and all DC outputs are specified.

Secondary rms currents and wire sizes are chosen exactly as for the
push-pull secondaries as described in Sec. 2.2.10.3. The secondary rms
currents are given by Eq. 2.13 and the required circular mils for each
half secondary is given by Eq. 2.14.

3.3.3 Output filter calculations

As for the half-bridge and push-pull topologies which also have full-
wave output rectifiers, the output inductor and capacitors are calcu-
lated from Eqs. 2.20 and 2.22. Equation 2.20 specifies the output in-
ductor for minimum DC output currents equal to one-tenth the
nominal values. Equation 2.22 specifies the output capacitor for the
specified peak-to-peak output ripple V, and the selected peak-to-peak
inductor current ripple amplitude.

3.3.4 Transformer primary blocking capacitor

Figure 3.3 shows a small nonpolarized blocking capacitor C, in series
with the transformer. It is needed to avoid the flux imbalance problem
as discussed in Sec. 3.2.4.

Flux imbalance in the full bridge is less likely than in the half
bridge, but still is possible. With bipolars, an on pair in one half cycle
may have different storage times than the pair in the alternate half
cycle. With MOSFETs, the on-voltage drops of the pairs in alternate
half cycles may be unequal. In either case, the volt-second product ap-
plied to the transformer primary in alternate half cycles will be un-
equal and the core may walk off center of its hysteresis loop, saturate
the core, and destroy the transistors.




Chapter

Flyback Converter Topologies

4.1 Introduction

All topologies discussed thus far, with the exception of the boost reg-
ulator (Sec. 1.4) and the polarity inverter (Sec. 1.5) deliver power to
their loads during the time when the power transistor is turned on.

Flyback topologies described in this chapter operate in a fundamen-
tally different way. During their power transistor on time, they store
energy in their power transformer while load current is supplied from
an output filter capacitor. When the power transistor turns off, the en-
ergy stored in the power transformer is transferred to the output as
load current and to the filter capacitor to replenish the charge it lost
when it alone was delivering load current.

The topology has advantages and drawbacks, discussed in detail be-
low. The major advantage is that the output filter inductors required
for all forward topologies is not required for flybacks. Especially for
multioutput power supplies, this is a significant saving in cost and
space.

4.2 Flyback Converter—Areas
of Application

Flyback converter topology is shown in Fig. 4.1. It is very widely used
for output powers from about 150 down to under 5 W. Its great initial
attraction—although it is not strictly so, as will soon be seen——is that
it has no secondary output inductors as have all topologies discussed
thus far. The consequent savings in cost and volume of the output in-
ductors is a significant advantage.

It is widely used for high output voltages at relatively low power
(25000 V at <15 W). It can also be used at powers of up to 150 W if
DC supply voltages are high enough (2160 V) so that primary cur-

105



106  Topologies

DC voltoge-controlleg
varigbie - width

pulse generator Vref

Ip
/L A_ !
Is

el

7, 77/ -
NN \\

Figurs 41 Discontinucus-mede flyback converter. When @1 is on, all rectifier di-
odes are reverse-biased and all output capacitors supply load currents. N, acts like
a pure inducter and load current builds up linearly in it to a peak /. When Q1
turns off, the primary stored energy Y2LI pz is delivered to the secondaries to supply
load eurrent and replenish the charge on output capacitors which they had lost
when §1 was on. The circuit is discontinuous if the secondary current has decayed
to zero before the start of the next turnon.

rents are not excessive. The feature which makes it valuable for high
output voltages is that it requires no output inductor. In forward con-
verters, discussed above, output inductors become a troublesome prob-
lem at high output voltages because of the large voltages they have to
sustain. Not requiring a high voltage free-wheeling diode is also a
plus for the flyback in high-voltage supplies.

It is also a frequent choice for a supply with many output voltages
(<10 is not uncommon) in the region of 50 to 150 W. It is attractive for
a multioutput supply because the output voltages track one another
with line and load changes far better than they do in the forward
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types described earlier. The better tracking is due to the absence of
output inductors,

It can be used from DC input voltages as low as 5 V up to the usual
rectified 160 V from a 115-V-AC power line by proper choice of the
secondary to primary turns ratios. By careful design of these turns ra-
tios, it can also be used off the rectified DC of 160 V from a 115-V-AC
power line or from the rectified 320 V DC from a 220-V-AC power line
without resorting to the voltage doubling—full-wave rectifying scheme
(switch S1) of Fig. 3.1.

The latter scheme, although very widely used, ha