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Preface

Power reduction is a central priority in battery-powered medical
implantable devices, particularly pacemakers, to either increase battery
lifetime or decrease size using a smaller battery. This book proposes new
techniques for the reduction of power consumption in analog integrated
circuits applied in pacemakers. Its main case of study is the pacemaker sense
channel, which is representative of a broader class of biomedical circuits
aimed at qualitatively detecting biological signals.

The book is expected to be useful for researchers, postgraduate students
and designers in both the areas of analog integrated circuits and implantable
medical devices.

The basis of this text was written as a Ph.D. thesis at the Université
Catholique de Louvain, Louvain-la-Neuve, Belgium. Part of the work was
developed at the Instituto de Ingenieria Eléctrica, Universidad de la
Republica, Montevideo, Uruguay. Concurrently with the development of the
thesis, an industrial integrated circuit for pacemakers was designed for CCC
S.A, Uruguay, a pacemaker factory. In this and subsequent projects with
CCC S.A. the pacemaker appeared as an example of choice for the analysis
of the impact of application of SOI technology and power-aware design
techniques.

The book contains six chapters. The first and second chapters are a
tutorial presentation on implantable medical devices and pacemakers from
the circuit designer point of view. This is illustrated by the requirements and
solutions applied in our implementation of an industrial IC for pacemakers.
Therefrom, the book discusses the means for reduction of power
consumption at three levels: integration technology, power-oriented
analytical synthesis procedures and circuit architecture.

X



X Preface

At the technology level, we analyze the impact that the application of the
fully depleted silicon-on-insulator (FD SOI) CMOS technology has on this
kind of analog circuits. The basic building block level as well as the system
level (pacemaker sense channel) are considered.

Concerning the design technique, we apply a methodology, based on the
transconductance to current ratio, that exploits all regions of inversion of the
MOS transistor. Various performance aspects of analog building blocks are
modeled and a power optimization synthesis of OTAs for a given total
settling time (including the slewing and linear regions) is proposed.

At the circuit level, we present a new design approach of a class AB
output stage suitable for micropower application. In our design approach, the
usual advantages of the application of a class AB output stage are enhanced
by the application of a transconductance multiplication effect.

These techniques are tested in experimental prototypes of amplifiers and
complete pacemaker sense channel implementations in SOI and standard
bulk CMOS technologies.

A ultra low consumption of 110 nA (0.3 uW) is achieved in a FD SOI
sense channel implementation.

Though primarily addressed to the pacemaker system, the techniques
proposed are shown to have application in other contexts where power
reduction is a main concern.

Next, we present an outline of the content of each chapter.

Chapter 1 Implantable Cardiac Pacemakers.

The first chapter provides the reader with the main framework set by the
target application and the general specifications that this application imposes
on the circuits studied in this work.

The chapter is organized in three parts. In the first part, we introduce a
brief view of the operation and functionality of modern implantable cardiac
pacemakers at the system level. The second part describes the circuit blocks
that are comprised in these devices and the requirements imposed on some
of these circuit blocks, while reviewing the prior published work on
implantable pacemaker circuit design. Finally, in the third part, we show, by
the analysis of other medical devices and functions, that the essential
requirements of the pacemaker sense amplifier are common to several
devices, allowing the conclusions of our study to have wider application.



xi

Chapter 2 Industrial Implementation of Pacemaker Integrated Circuit in
Bulk CMOS Technology.

The second chapter discusses the architectural alternatives, trade-offs,
actual design and results of circuits we have implemented in Bulk CMOS
technology, for a pacemaker's analog processing functions. Particularly we
focused on two main analog modules of a pacemaker: the sense channel and
the activity sense block.

The analysis of this industrial design provides us with detailed
specifications and performance data that will be later applied to design and
to evaluate alternative architectures and technology (SOI). In addition, the
methods applied to meet the challenges of operation of analog circuits at
low-voltage (2V) power supply in a standard Bulk CMOS process are
described.

Regarding the design of the sense channel, the selection of the overall
architecture and the main design characteristics of the basic building blocks
are presented. In particular the compromise between the use of external
components and the implementation of a fully integrated solution is
discussed. A review of the alternatives for integrated implementation of
large time constants is presented in the Appendix 1 of the book.

As an additional example of micropower analog block of the pacemaker,
the design of an accelerometer signal conditioning circuit for activity sensing
is presented in the Appendix 2 of the book.

Chapter 3. Potential of SOI Technology for Low-Voltage Micropower
Biomedical Applications.

The goal of the third chapter is to introduce the reader to the
characteristics of Fully-Depleted (FD) SOI technology and to evaluate its
potential impact in biomedical applications that require analog blocks under
low-voltage operation and micropower consumption.

The chapter starts by briefly reviewing the features of the FD SOI
technology. Then, we analyze the improvements that can be obtained for the
operation of basic components such as analog switches, current mirrors and
operational transconductance amplifiers (OTAs). These analyses devote
particular attention to those blocks and performance aspects that are central
to the proposed implementation of our study vehicle, the sense channel, as
well as to the implementation of other pacemaker analog blocks. This is the
case of the speed and precision of current mirrors, which are essential
elements in the class AB stage proposed in Chapter 5, and of OTA
characteristics such as the power — bandwidth trade-off, noise and offset.
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Chapter 4. Power optimization in operational amplifier design.

The fourth chapter is aiming at shedding light on the ultimate reasons that
condition power consumption in amplifier design. An analysis of the factors
that determine power consumption leads us on to the selection of the most
effective ways to reduce it. The results are then applied to the power
optimization of a Miller operational transconductance amplifier (OTA).

In the first part, we present a brief review of existing results about
theoretical limits of power consumption of analog circuits. These results
suggest the essential mechanisms to get closer to these limits; they serve as
comparison reference and they identify the criteria on the formulation of
figures of merit for comparison between actual circuit implementations. The
first part ends with a review of the practical limits and the introduction of a
general scheme of the factors that determine power consumption in
operational amplifiers. The results presented in this first part, besides its
interest from the general point of view of low-power analog design, provide
elements required in order to perform a fair comparison of the results of our
amplifiers and the pacemaker sense channel with other published amplifiers
and filters.

The second part formulates a "power oriented” synthesis of the Miller
OTA. We introduce a new procedure to handle the trade-off between linear
settling time (associated to the gain-bandwidth product) and slew rate, which
applies a novel, joint optimization of these two aspects to achieve minimum
power consumption. The proposed design procedure, which can be extended
to other OTA architectures, makes it possible to determine numerically the
best combination of the input and output stage g,/Ip ratio and simultaneously
provides insight on the underlying reasons that lead to this optimum.

Chapter 5. Class AB Micropower Operational Amplifiers.

The fifth chapter presents a novel design approach for a class AB output
stage, as required to save quiescent power in the pacemaker sense channel.

The chapter is organized as follows. First, we introduce the general
characteristics of class AB stages and review the main structures found in
the literature. Then, we describe the selected architecture and the method
applied to synthesize it for minimum power consumption. Next, the
experimental results on the fabricated prototypes and comparisons with
reported amplifiers of similar characteristic are presented. Finally,
improvements to the basic circuit structure and design method are discussed.



xiii
Chapter 6. Implementation of pacemaker sense circuits.

The last chapter describes the application of various techniques and ideas
developed in the book to the design of pacemaker sense circuits. First we
present a switched capacitor (SC) design of a sense channel filter / amplifier
in 0.8um Bulk technology. Next, we describe a continuous time
implementation of the sense channel in FD SOI technology that achieves a
ultra low consumption of only 110nA, applying the general architecture
described in Chapter 2.

Finally, the main conclusions and future research lines are summarized.



Chapter 1

Implantable Cardiac Pacemakers

Microelectronic technology is steadily contributing to the development of
medical therapies and diagnostic aids. Many of these developments follow
the general trend towards low-power and low-voltage circuits of electronic
systems, in order to satisfy the voltage requirements of sub-micron
technologies, as well as the need for portable terminals and heat dissipation
management in complex chips. Nevertheless, the medical device field where
the quest for realizing minimum consumption circuits and devices has been
the most intense is still the area of active implantable devices.

Implantable devices are defined as those intended to be surgically placed
inside the body and remain there for a long term. The active quality refers to
devices that have a power supply and are capable of delivering energy to the
body, in contrast with passive implants like metallic bone prostheses.

Most of the active implantable devices in current application are powered
by batteries. Since their replacement requires a surgical procedure, though
simple in most cases, the need arises for minimizing power consumption to
increase device lifetime. Few exceptions exist where the system is powered
by RF energy transmitted from the outside of the body. Nevertheless, this is
not always practical and consumption, though higher levels are allowed, is
still an important concern.

The main example of active implantable device in terms of widespread
application is the cardiac pacemaker.

In this book, one of the cardiac pacemaker circuit modules (the sense
amplifier) will be used as a study vehicle for the application of low-power
circuit techniques and SOI technology.

In the first section of this chapter, we introduce a brief system level
survey of the operation and functionality of modern implantable cardiac
pacemakers. The objective of this description is to provide the reader with
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2 Chapter 1

the main framework in which the circuits studied in this work will be
included.

In section 2, we describe the circuit blocks of these devices and the
requirements imposed on some of them, while reviewing prior published
work on implantable pacemaker circuit design.

Finally in section 3, we show, by the analysis of other medical devices
and functions, that key requirements of the pacemaker sense amplifier are
common to several devices, allowing the conclusions of our study to have
wider application.

1. THE HEART AND IMPLANTABLE CARDIAC
PACEMAKERS

A cardiac pacemaker reestablishes a normal rhythm to a diseased heart
that basically presents a slower contraction rate or similar disorders. In order
to give an overall view of the pacemaker operation, we firstly present a very
brief summary of the heart operation based on [WEB951].

1.1 The Heart Operation

The human heart consists of two pumps in series, one to propel blood
through the lungs for exchange of oxygen and carbon dioxide and the other
to propel blood to all other tissues of the body. Figure 1-1 depicts the blood
flow in a schematic way.

The ventricles are the main pumps and the atria are auxiliary pumps that
function as filling and holding chambers while the ventricles contract. A
valve system assures the unidirectional flow of the blood.

The structure and behavior of the heart muscles, as well as the way the
contraction of the heart chambers is commanded, determine many important
characteristics of the operation of both heart and pacemaker. The cardiac
musculature consists of two types of muscle cells: (1) cells that initiate and
conduct impulses, and (2) cells that besides conducting, respond to stimuli
by contracting. The latter constitute the working musculature of the heart or
the myocardium. In the myocardium of the ventricles the cells are not
electrically insulated or mechanically separated from one another. A
stimulus arising at any point in the ventricle spreads to cause complete
contraction of both ventricular chambers. The same applies to the atria. The
atria and ventricles are not connected except for the atrioventricular (AV)
node, which is responsible for transmitting the contraction order from the
atria to the ventricles. The sequence of excitation of the heart normally
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proceeds from the sinoatrial node, located on top of the atria, which is the
natural pacemaker of the heart. The excitation spreads through both atria to
the AV node, passing then on to the ventricles.

Left
Ventricle

Right
Ventricle

Body
Tissues

Figure 1-1. Schematic diagram of heart blood flow

1.2 Artificial Pacemaker Operation and Functionality

The main function of artificial pacemakers is to supply lacking excitation
pulses from the sinoatrial node or to reestablish a malfunctioning excitation
communication from the atria to the ventricles.

Asynchronous and synchronous pacing

Since the main pumping action is performed by the ventricles, the first
generation of implantable cardiac pacemakers just stimulated the ventricles
at a fixed rate [GED90] (asynchronous pacing). This type of operation has
various drawbacks: the synchronicity between the atria and the ventricles
may be lost thus decreasing the pumping efficiency, the rate is not dependent
on exercise, and battery energy is being wasted in periods of correct
functioning of the natural pacemaker system when external stimulation
would not be necessary. Furthermore, in some patients this may cause
fibrillation (a state of irregular contraction of the heart that can lead to death)
if the pulse is delivered within the vulnerable period.

An early improvement of pacemakers was to incorporate the capacity of
sensing events that correspond to the spontaneous contraction of the
ventricles and inhibit the delivery of a stimulation pulse. This is called
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synchronous or demand pacing. If the searched-after event is not sensed
within a time-out period, a pulse is delivered. This avoids the probability of
pacing the heart during the fibrillation vulnerable period, minimizes
hemodynamic deficiencies and saves battery by pacing only when necessary.
However, as with asynchronous pacing, the pacing rate is not dependent on
exercise and the oxygenation needs of the body.

Single and dual chamber pacemakers

Up to now we have referred to single chamber pacemakers, i.e.
pacemakers capable of sensing and stimulating only one chamber of the
heart. Early in the development of cardiac pacing [GED90], it was found that
in patients where the problem was the atria to ventricles communication of
the excitation (total AV block), the atria and the natural pacemaker were still
working properly, modulated by physiological needs for cardiac output. In
these cases it is appropriate to apply a dual chamber pacemaker. These
pacemakers are capable of sensing both the atria and the ventricle and
stimulating one or both of them depending on the pathology. Nevertheless,
in many individuals the occurrence of sinus node dysfunction limits the use
of atrial sensing for rate adaptation. For these last cases, rate-adaptive
pacing has been devised. In this method the base rate of pacing is influenced
by events occurring outside the heart.

Rate-adaptive pacing

The selection of a suitable method for sensing a proper indicator and
adapting the heart rate accordingly must take into account the extra power
consumption it involves and the need for additional sensors or leads at the
outside of the pacemaker, which make implantation more complex. The
main methods currently applied for adapting the heart rate ((WEB951]) do
not require extra elements at the outside of the pacemaker case. They are: (1)
estimating the minute ventilation (volume of air inhaled per unit of time,
which has been found to be a good estimator of metabolic rate) based on the
impedance of the chest, which is measured between the pacemaker case and
the usual pacemaker pacing and sensing leads and (2) the measurement of
body motion, mainly through an accelerometer mounted inside the
pacemaker case.

None of these two approaches is perfect. Adaptation based on minute
ventilation suffers from the following drawbacks. Impedance measurement
tends to consume more power than efficient accelerometer circuits, and it
might be affected by motion artifacts of leads and by upper body and arm
swinging. In addition, it is slow to respond and it would respond to changes
in respiration, like those occurring when talking during exercise or holding
breath, by slowing the heart rate. On the other hand, motion sensors only
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track changes due to exercise and not other physiological changes that might
require heart rate increase (anxiety, fever). Also in some cases they might
not be able to correctly track the needs of certain exercises. This is the case
of going down and going up stairs, in which, depending on the sensor and
signal processing, the result might be deceptively similar in both cases or
even the opposite to what is needed. In some recent pacemaker models both
methods have been applied to improve adaptation.

Several other approaches have been investigated and some of them
actually applied. Initially, motion based methods applied a sensor mounted
on the inside wall of the case, which measured the pressure changes in the
case itself. Some indicators were derived from the waveform of the
intracardiac electrogram (bioelectrical signal pick up at the pacemaker
leads). The measurement of changes in the blood temperature inside the
veins, measured through a thermistor mounted in the pacemaker lead, was
also applied.

Other functions

In the previous description of pacemakers the following functions were
identified: generation of stimulation pulses to the heart, sensing of the
spontaneous heart activity, sensing of an indicator for heart rate
adaptation and a processing unit to take decisions. These functions are
depicted in Figure 1-2 together with the following additional features that are
included in current pacemakers.

aw |
P

Micro Activity -
controller Sensing

Figure 1-2. Main functions of present implantable pacemakers.




6 Chapter 1

lead or polarity selection. For stimulation and sensing two electrical
connections are required, let us call them the active electrode and the
reference electrode. The active electrode is always at the tip of the lead, in
contact with the inside wall of the heart chamber. The reference electrode
can be the pacemaker case (unipolar stimulation or sensing) or a ring
electrode, which is placed on the lead, 2 to 3 cm. from the tip where the
active electrode is (bipolar stimulation or sensing). Then bipolar leads have
two built-in conductors. Current cardiac pacemakers may be configured
independently for either unipolar or bipolar stimulation or sensing. This
requires a set of switches to change the connection of at least the reference
connection of the sense channel and the stimulation. These switches are
called lead or polarity selection block.

measurement of the battery voltage. This function detects when the
battery is near depletion.

communication (telemetry). The capability to communicate with the
outside of the body makes it possible to receive parameters of operation that
are programmed to suit each patient (amplitude, duration and basic rate of
stimulation pulses, polarity for stimulation and sensing, threshold of
detection of spontaneous events, alternatives on the control algorithm of the
pacemaker), and to transmit from the pacemaker statistical data of operation
(number of stimuli, number of sensed events), the state of the battery, the
impedance seen at the electrodes, the programmed parameters and the unit
identification.

safety measures. Since a pacemaker is a life support device, safety and
reliability are key concerns in the design of a pacemaker. These are applied
throughout all the basic blocks and components. The generally applied
criterion is to assure, as a minimum requirement, that a single fault will not
produce catastrophic events that could lead to damage or death of the patient,
like stimulation at an unacceptable high rate or application to the heart of DC
current higher than a few microAmps that would lead to fibrillation.

Battery

It is worth devoting some lines to the pacemaker power supply since it
sets specification for all the other blocks.

The first times in the development of implantable pacemakers were
marked by the concerns about short battery life and the gas batteries
produced.

The first pacemaker implanted in America and the first successful
implant in the world [FIA88], was performed in February 1960 in Uruguay.
The implanted device, which had been developed in Sweden by Dr. Rune
Elmgvist, used two rechargeable nickel-cadmium batteries, which required
charging through an inductive link for 12 hours about once a week. The unit
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implanted some months later in the USA, developed by Wilson Greatbatch,
was energized by 10 mercury zinc cells ({GED90], [ADA95]). Even nuclear
powered pacemakers were applied during some time, but several safety
concerns were associated with them. The qualitative leap and final solution
came with the introduction by Greatbatch et al. of the lithium battery in
1971 ([GED90])). Since 1972, lithium batteries have been used. The lithium-
iodine (Li/l,) battery has been the standard in the implantable cardiac
pacemaker industry for over 20 years ([SAN96]).

The lithium-iodine battery yields an open circuit voltage of 2.8V. Typical
internal resistance at beginning of life condition is around a few hundred
ohms (100Q to 500€2). As the battery depletes it can be modeled with an
approximately constant open circuit voltage and with a changing internal
resistance that reaches several thousands ohms near depletion. The 1kHz
internal AC impedance follows the same behavior. Typical evolution of
output voltage and 1kHz internal AC impedance as a function of percentage
of nominal charge delivered to a 100kS2 load are shown in Figure 1-3.
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Figure 1-3. Evolution of output voltage and internal impedance for a lithium-iodine battery
for 100kQs constant resistive discharge.

From these curves stems the need for operation of pacemaker circuit
blocks down-to power supply voltages of around 2V. As the voltage
discharge characteristic rapidly falls near depletion, the circuit must be able
to operate at this low supply voltage in order to guarantee operation during
an acceptable time from the detection of the battery low condition to its
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replacement. The high internal impedance of the battery near the end of life
also imposes the use of a considerable decoupling capacitor at the battery
input lines (several tens of microFarads) to accommodate transient peaks of
consumption while avoiding high amplitude glitches in the voltage supply
that might mainly affect digital circuits. This situation also sets limits for the
allowable current consumption peaks due to stimulation current, stimulation
capacitor charging and consumption of blocks, like the communication
circuit, that are seldom turned on for long times, but when they are, they may
risk decreasing dangerously the supply voltage.

Implantable grade lithium-iodine batteries are available in capacities
ranging from about half an Ah to a couple of Ah ([GREO3]). A
representative value, for present pacemakers that tend to favor size reduction
over device lifetime, might be 1Ah. This is equivalent to 114 PA year.
Consequently, in order to have a 10 year lifetime for the device a total
average consumption of 11.4uA is required. On the other hand, how much
energy is required for stimulating the heart? This is dependent on how often
the heart requires stimulation and the programmed pulse amplitude, which is
adjusted for each patient. A normalized situation applied for estimating
pacemaker lifetime [CENOO], is when 2.5V amplitude pulses of 0.5ms
duration at 72 pulses per minute are delivered on a leads plus tissue
impedance of 500Q. In this case, it can be shown that in typical output
circuit configurations, at least an average consumption of 2.8lA is required.
This value is doubled when a dual chamber pacemaker is considered, i.e. a
pacemaker that stimulates both the upper (atria) and lower (ventricles) parts
of the heart. These figures show that both from the point of view of how
much energy is available at the battery and from the comparison with the
energy delivered to the heart, the total circuit consumption must be within a
few microAmps.

Other types of lithium batteries are currently used for other implantable
devices ([GREO3]). For devices that require higher battery currents and
hence much lower internal impedance values, like the case of implantable
defibrillators ((WAR96)), lithium silver vanadium oxide (Li/SVO) batteries
have been developed. In the year 2000, rechargeable lithium batteries have
been introduced aiming at implantable devices that have higher consumption
and that would have unacceptable short lifetime with conventional lithium
batteries. Examples of these devices are neurological devices, left ventricular
assist devices, artificial hearts and advanced implantable hearing devices.

Finally, also in the last few years, lithium carbon monofluoride (Li/CFx)
batteries have been introduced. They are characterized by a relatively flat
voltage discharge profile, much lower internal impedance throughout its
entire life and higher current capacity than lithium-iodine counterparts plus
low overall cell weight. This eases circuit design, alleviating the above-
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mentioned restriction imposed on peak current consumption by lithium
iodine batteries. Li/CFx batteries are finding their way into pacemaker,
implantable defibrillators (AICD), implantable drug infusion pumps, and
neurostimulator applications.

This brief overview of the pacemaker operation and functions has
emphasized those aspects related to our main goal — circuit design. Before
entering into the discussion of the specifications and challenges of circuit
design, it is worth mentioning several other brilliant achievements in
pacemaker technology. They have been accomplished in the case itself, in
leads and electrodes as well as in the medical technology of implant. The
pacemaker engineering and medical community has been able to solve
several key issues in these areas. The following are some examples.

The biocompatibility of case, leads and electrodes and long term reliable
operation in the body medium and simple implant techniques. This has lead
nowadays to use, as standard packaging technique for pacemakers, a
hermetically sealed titanium case. This case is filled with helium, which
provides an inert, non corrosive ambient for the circuits and allows to easily
detect very small leaks in the case that would lead to body fluids entering in
contact with the circuitry.

Implant techniques that allow to place the pacemaker case close to the
skin and take the leads through a vein towards the inside of the heart, have
resulted in a rapid and secure surgical procedure.

Leads material and construction characteristics and electrode fixation
techniques that reliably withstand the placement inside the permanently
moving heart, with hundreds of millions of contractions in the pacemaker
lifetime, while at the same time they do not produce harm or discomfort to
the patient.

Figure 1-4 shows an actual pacemaker with its lead.

Figure 1-4. Pacemaker manufactured by CCC del Uruguay S.A. ([(CCCO03]), showing the
titanium case and the epoxy "neck" where leads are connected.
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2. SPECIFICATIONS OF PACEMAKER CIRCUIT
BLOCKS

Among the circuit blocks of a cardiac pacemaker, three broad categories
can be distinguished regarding their nature: (1) the processing unit or
microcontroller, (2) analog signal processing and other analog circuits
(including digital auxiliary logic) and (3) the output circuits (voltage
multipliers and polarity switches). In the first category we deal with pure
digital circuits, in the second category with traditional analog circuits
(amplifiers, filters, comparators, A/D and D/A converters) and the third
category is mainly based on switches, so the involved techniques and
considerations are clearly different from the other two groups. In this work
we focus on the second category. In the first part of this section detailed
specifications are provided on two such blocks: the sense channel and the
rate adaptation sensor. Then some brief information will be provided on the
third category and other analog blocks. In the final part of this section the
prior published work is reviewed.

2.1 General specifications

We first consider specifications that apply to all circuit blocks.
Two general specifications are derived from the characteristics of lithium
iodine batteries:

— operation from 2.8V down to at least 2V,

— current consumption of a block must be set keeping in mind the effect on
the power supply voltage at the end of life condition, due to increased
battery internal resistance, as well as the contribution of the block to the
average consumption of the device, which determines the operating life.

Additional global specifications are derived from the safety requirements.

— No single fault may produce catastrophic events like the conduction of DC
current through the heart higher than a couple of microAmps or
stimulation pulses delivered at an excessively high rate.

— The fact that we are designing a high reliability device must be kept in
mind during all design stages. This concerns aspects like process selection,
device sizing and layout rules.

2.2 Sense Channel

The circuit that processes the bioelectric signals from the cardiac muscle
to detect spontaneous cardiac activity is known as sense amplifier or sensing
channel.
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A standard test waveform representing the cardiac signal to be detected is
the triangular wave with 2ms rise time and 13ms fall time shown in Figure
1-5 [CENOO].

2ms 13ms

Figure 1-5. Standard input test signal for sense channel.

Typical thresholds of detection are amplitudes from 0.2mV to 3.2mV in
the atrium and 0.4mV to 6.4mV in the ventricle in 16 programmable steps.
The threshold of detection must be programmable to adapt the operation to
the characteristics of each patient. The detection of these small signal
amplitudes requires amplification and filtering in order to separate the
desired signal from interfering signals and to reach signal amplitudes that
could be reliably compared with the desired threshold. Figure 1-6 shows the
basic block diagram of a sense channel.

Filter /

—— 4 Comparison f::}\

To the
To the heart ) mictocontroller
through polarity ~" /
block.

Programming

/[// Threshold

Figure 1-6. Basic block diagram of sense channel.

We will now discuss the main specifications of the filtering,
amplification and comparison functions. Further characteristics of the circuit
elements of the blocks, which depend on decisions concerning the overall
architecture, will be discussed in Chapter 2 when the implementation details
are described.
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Filter / amplifier block

There are two main sources of interfering signals that are close to the
frequency range of cardiac signals. They are the mains network, at 50 and 60
Hz, and muscles close to the pacemaker case, which generate electrical
signals (myoelectric signals) with significant spectral content in the
frequency range starting at 100Hz up to a few kHz [WEB951]. Though the
energy of intracardiac signals has significant components at lower
frequencies [WEB951], a frequency passband from 70Hz to 200Hz and 20
dB/dec roll-off on both sides has been proved, in several generations of
pacemakers, to be a suitable choice that leaves these interfering sources out
of the band while allowing the correct detection of physiological signals
[CCC96].

The previous specifications for input signal and bandpass imply that if a
signal amplitude of, for example, 88mV (which is the value used in the
implementation described in the next Chapter) is required at the input of the
comparator, a maximum gain of around 700 is needed in the bandpass to
obtain a 0.2mV threshold of detection.

In order to consider the required precision on the frequency band limits,
it must be noticed that the goals of interference rejection and correct
detection can also be fulfilled with somewhat different cut off frequencies,
particularly in the case of the low pass cut off frequency of 200Hz. We will
now consider the effect of moving the filtering band limits. Reducing the
filter bandwidth (i.e. increasing the low, high pass, cut off frequency or
decreasing the high, low pass, cut off frequency), decreases the in-band
power of the signal to be detected and hence requires to further increase the
in-band gain to keep a constant detection threshold. The required in band
gain for the 70-200Hz bandpass is fairly high (700); to further increase it
leads to more complex circuits (additional amplifying stages or higher DC
gain in operational amplifiers) with higher consumption. On the other hand,
to increase the filter bandwidth decreases the filtering action on the
interfering signals. Let us discuss which are the limits on this direction. The
lower, high pass cut off frequency, cannot be much reduced as it is limited
on the lower side by the need of filtering the 60Hz mains frequency and
cardiac signals which are of lower frequency and do not correspond to the
events that are to be sensed. The higher, low pass, cut off frequency is
limited on the high side by the increase of the signal power of myoelectric
signals that affect the output as the high cut off frequency is increased.
Nevertheless, there is not a clear-cut limit here, since the spectral content of
myoelectric signal is spread out in a wide band. Therefore, cut off
frequencies up to 300Hz might still be acceptable.
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The filter characteristics and precision, must take into account the
following aspects:

a) the 70 to 200Hz frequency band is a typical specification and these
nominal values might be altered while complying with the guidelines
discussed in the previous paragraph.

b) the spread of the cut off frequencies around the selected nominal values
must be such that it makes it possible to comply with the desired
precision in the detection thresholds, which will be discussed below.
Based on these principles, a precision of +/- 10Hz in the low frequency

cut off frequency and +/- 20 Hz in the high frequency cut off, are specified.

In addition to the sources of interfering signals previously mentioned,
radio frequency signals must also be considered. These signals, though lying
well above the sense filter band, may also affect the sense circuitry due to
demodulation occurring in semiconductor junctions that could lead to low
frequency spurious signals. Radio frequency interference is prevented from
reaching the sense circuitry through the metallic enclosure of the pacemaker
and through capacitors that shunt the leads to the case.

Filtering is not the only measure for interference prevention. The bipolar
sensing method, mentioned in Section 1.2, where a lead with two built-in
conductors brings the input signal to the pacemaker, is a measurement
technique more robust than unipolar sensing, in which the pacemaker case
acts as the reference electrode. In bipolar sensing the loop area sensible to
electromagnetic interference is greatly reduced and interfering signals
become mainly common mode signals. Nowadays pacemakers can be
configured in either unipolar or bipolar sensing, the bipolar method usually
being the preferred one when the lowest values of the threshold of detection
are applied.

Additional requirements relate to the connection of the sense block to the
pacemaker leads. The input impedance must be greater than about 20k< in
order to avoid loading the tissues excessively and consequently affecting the
measured signal. Since the sense channel and the stimulation circuit share
the same connection leads to the heart, it is required that the circuit recovers
from the effect of stimulating pulses (that can have amplitudes up to about
7.5V), quickly enough (in less than about 100ms in traditional pacemaker
sense amplifiers). Finally, the application of the previously mentioned safety
criteria influences the way this connection is made. Usually an external
capacitor, which makes part of the filtering section, is included to assure that
a single fault will not lead to the delivery of a dangerous DC current through
the heart. An accepted safe limit for the fault condition is a DC current of
2uA.
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Comparison block

Once the signal has been filtered and amplified, it is compared with a
threshold level to decide whether the heart contraction occurred. Regarding
comparison speed, neither the slow varying input signal nor the dynamics of
the application, which evolves at “biological” speed, are much demanding.
Detection delays below a couple of ms are acceptable for an input signal
amplitude two times the programmed threshold [CCC96] (since the
comparator delay is dependent on input overdrive).

Precision of detection thresholds

Two issues influence the requirement on the accuracy of detection
thresholds.

First, there is no need for a high precision since the threshold of detection
is selected for each patient at the implant time and the procedure applied to
select this threshold does not depend on the accuracy of threshold levels in
absolute terms. This procedure is based on checking that the device
systematically detects the signal of the patient and will not detect interfering
signals.

Second is the fact that the lowest threshold values are the most affected
by circuits imperfections since for these thresholds the highest gain or lowest
comparison levels are applied. Therefore, considering a constant accuracy
specification for all the threshold levels leads to either a too stringent
specification for the lowest thresholds or an excessively high error
specification for the rest of the threshold levels. The first alternative imposes
the application of more complex circuit techniques (e.g. offset cancellation
techniques) in order to comply with the specification, thus increasing power
consumption.

Taking these two aspects into account we will consider a +/-25%
precision specification for the lowest thresholds and +/- 10% for the rest of
the thresholds.

Consumption

The sense block must be active during most part (around 70% to 80%) of
the cardiac cycle and dual chamber pacemakers require two of these circuits.
Typical figures for the allowed consumption of each of these blocks are
around 1UA, as in reference [LENO1]. This accounts for 10 to 20 % of the
total pacemaker consumption.
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Recent trends on sense channel requirements

Finally, some comments on recent trends of sense channel requirements
are pertinent here.

A recent improvement in pacemakers is the capture verification feature
[RIT98]. This feature is based on detecting whether a stimulation pulse has
been effective by sensing the cardiac signal very rapidly (between 15 to 45
ms) after the stimulation pulse (a technique referred to as "early sensing"). In
this way the stimulation amplitude can be adapted to the minimum required,
which saves energy. Currently, the stimulation pulse amplitude is fixed for
each patient at the implant time according to what is measured. In this case,
after stimulation (or spontaneous contraction) there is a "refractory” period
of about 15 to 30% of the cardiac cycle, where the cardiac signal is not
sensed.

This feature involves modifications at the electrode, input interface of the
sense channel and filtering, in order to avoid the transient perturbations due
to the stimulus. In reference [LENO1] a bandpass filter with 40dB/dec high
pass and 20dB/dec low pass characteristics is applied, and measures are
included to discharge the filter capacitors and to change the compensation of
the input amplifier in order to speed up the circuit response during the early
sensing phase, after the stimulus pulse. In our design we will not include this
feature. However, the data from reference [LENO1], shows that the
modifications in the filtering stage are small (basically a 2" order high pass
section instead of a first order high pass section). Hence, our conclusions can
be extended to this case.

Another trend is to include the capability of acquiring, storing and
transmitting short sequences of the input signal to the sense channel
(intracardiac electrogram) for diagnostic purposes. This information is also
used in some models to measure the actual amplitude of the incoming signal
and automatically adjust the detection threshold [GUIO03].

Table 1-1 summarizes the sense channel specifications.

Table 1-1. Specifications summary of sense channel.

Specification Required value

Supply voltage 2.0-2.8vV

Total current consumption <1pA

Frequency response Bandpass, 70- 200Hz, first order high and
low pass.

Input amplitude thresholds (CENELEC Test  0.2mV to 3.2mV in the atrium, 0.4mV to

signal [CENOO]) 6.4mV in the ventricle in 16 programmable
steps.

Required maximum in-band gain 700 for 88mV output at 0.2mV input.

Threshold accuracy +/-25% of nominal value (lowest values)

+/-10% of nominal value (highest values)
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Specification Required value

Detection delay < 2ms for input signal amplitude equal to
twice the programmed threshold.

Input Impedance > 20kQ

Safety DC current through input leads < 2uA for

single fault condition.

23 Rate Adaptation Sensor

Several approaches exist, as noted above, for sensing a magnitude
suitable for rate adaptation. We will limit ourselves to the case of sensing
acceleration. The specifications are those of the industrial circuit we
developed (JARNO98]).

The range of accelerations, appearing at chest level due to normal human
exercise, ranges approximately from 0.007g to 0.34g. At the lower limit of
0.007g the available signal in the usual sensors is in the few UV region,
hence requiring paying particular attention to the noise characteristics of the
circuits involved. The frequency band of interest was fixed at 0.5Hz to 7Hz,
which also corresponds to what is reported in [WEB951] for several studies
on acceleration characteristics for various activities. First order high pass and
low pass characteristics were deemed sufficient. As an indicator of the
average exertion level, the circuit must deliver at its output the average of
the absolute value of the acceleration during three seconds. The absolute
value is considered because both acceleration and de-accelerations are
significant. The current consumption budget allowed to this module was
3uA.

Figure 1-7 shows the basic block diagram of a rate adaptation sensor and
Table 1-2 summarizes its specifications.

Figure 1-7. Basic block diagram of acceleration based rate adaptation sensor.

Piezoelectric, piezoresistive and capacitive sensors have been applied to
acceleration sensing in pacemakers. In our case the targeted sensor was a
piezoresistive sensor. Piezoresistive sensors present some advantages. They
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are available in discrete form and their cost is much smaller than
piezoelectric sensors which are the other ones also available in discrete form.
In addition they are suitable for integration in silicon through
micromachining techniques. Despite these benefits, their resistive nature and
resistance value, usually in the KQ range ((WEB951],[ICS00]), impair the
application in a micropower environment. Appendix 2 presents the technique
we applied to overcome this limitation.

Table 1-2. Specifications summary for rate adaptation sensor.

Specification Required value

Supply voltage 2.0-2.8V

Total current consumption <3pA

Frequency response Bandpass, 0.5- 7Hz, first order high and low
pass.

Input amplitudes 0.007g to 0.34g

24 Other Analog Blocks

Further analog circuits are used in a pacemaker.

An A/D converter is required for measuring the output of the rate
adaptation circuit and battery voltage measurement. A precision of eight bits
is usually enough and this block is sometimes a standard peripheral block of
the microcontroller device or core.

The telemetry function calls for analog functions, particularly in the
receiver section. In our case, where the inbound communication to the
pacemaker applies On-Off-Keying (OOK) modulation, a comparator based
receiver can be applied ((BAR98]). The speed requirements are higher than
in the sense channel case, since the incoming signals are usually in the kHz
range. The allowed consumption is also higher and it can be up to tens of
LA, but only during short periods.

For the battery voltage measurement function, besides the A/D converter
a voltage reference is needed. In this case, the current consumption
requirement is also relaxed because the block is on only once each cardiac
cycle, during the very short period needed to take the measurement.

Finally a special reference current source is needed for biasing the
circuits in the nA range ([VIT77], [VIT93]).

2.5 Pulse Generation

All pacemakers nowadays apply a capacitor discharge, quasi-constant
voltage pulse for stimulation. Basically a capacitor charged to a
preprogrammed voltage ("tank" capacitor, Cyy) is connected to the heart
during a given time.
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When higher amplitude pulses are required the tank capacitor can be
connected in series with the power supply.

The connection of the tank capacitor to the heart is usually done through
a discharged series capacitor (Cge). This series capacitor, though
decreasing the effective stimulation capacitance, helps in two ways: (1) it
assures the safety condition that no single fault can lead to the delivery of a
DC current to the heart and (2) when it is discharged through the heart after
the pulse, it nulls the total charge delivered to the heart. This effect of
nulling the total charge delivered to the heart helps in alleviating the
phenomenon of "electrode polarization” or "afterpotentials" ([WEB951])
that refer to the potentials appearing at the leads due to the charges
accumulated in the electrode-tissue interface due to the stimulation pulse.
These afterpotentials might later mask the heart signals that need to be
sensed.

Modern pacemakers are capable of delivering programmable pulses with
amplitudes that range from about 0.2V to around 7.0V, with widths from
0.1ms up to 2ms. This means generating voltages from one tenth to 3 times
the battery voltage. The values of the series and tank capacitors required to
reach stimulation are in the 10 to 30uF range and therefore are always
external components. The typical impedance seen due to the combination of
leads, electrode-tissue interface and tissues is about 50062, the expected
values being from 400Q to 1000Q. This calls for very low on-resistance
switches, since the circuit and some of the switches must then handle
currents up to 14 mA, i.e. around 7V over 500€), with low voltage fall (less
than 100mV).

Figure 1-8 depicts a simplified diagram of a pacemaker output stage
corresponding to one of the chambers of the heart during the charge and
stimulation phases. The terminals S+ and S- represent the bipolar terminals
that are inside one heart chamber (A+ and A- for the atrium and V+ and V-
for the ventricle in a dual chamber pacemaker). The CASE terminal is
connected to the pacemaker case. The switches Scasg and Sg,, which are part
of the polarity block, allow to select between unipolar stimulation (referred
to the pacemaker case) and bipolar stimulation (referred to the ring electrode
S+ in a bipolar lead).

In summary, the main challenges posed by the design of the output
circuit are: (1) the need for high current, low resistance switches; (2) the
requirement of handling voltages outside the power supply range that
demands specialized techniques for turning on and off the switches and
makes more complex the issues of on chip protections and latch-up
prevention, and (3) the management of these aspects in a low-power supply
voltage environment with very low overhead current drains (clearly below
1nA).
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Figure 1-8. Simplified diagram of charge and stimulation phases of pacemaker output stage
corresponding to one chamber of the heart. Stimulation polarity is selected by keeping closed
either Sg, (bipolar stimulation) or Scasg (unipolar stimulation). During the charging of the
tank capacitor and discharging of the series capacitor, Sg. is open and S, is closed. For
stimulation, the tank capacitor is disconnected from the voltage multiplier, Sgi. is opened and
Ss. is closed.

2.6 Prior published works

As noted in the preface of [WEB951], little information is available in
the open technical literature regarding the design details of cardiac
pacemaker circuits and even less for integrated circuits. This is probably due
to the "closed" characteristic of the pacemaker industry (few companies with
a long tradition) and the high competition among these companies. Many
architectural design details are included in the thousands of patents in the
field. However, when circuit design details are dealt with in the case of



20 Chapter 1

patents, which is not the most common case, actual performance results are
not presented since they are not relevant for the claim of innovation purpose
of a patent description.

In the following lines we summarize what is available. This is one
source of information for comparison with the results achieved in SOI
technology and with the new proposed architectures. Additionally we will
refer to our own industrial chip design that is described in the next chapter
and prior published work on general analog circuit design issues (amplifier
and filter design) that will be discussed in later chapters.

From bibliographic research among leading journals on integrated
circuit design, four specific references were found.

The first [WEI70] corresponds to the early stages of pacemaker history.

The second is the work by Stotts et al [STO892], from the disappeared
pacemaker company Intermedics, on a custom chip for pacemakers.
Regarding the analog circuitry, the chip did not include rate adaptation
circuitry, and though an interesting discussion on the different methods for
implementing filters with high time constants is included, there is no
complete description of the actual implementation applied for the sense
channel. In the block diagram of the sense amplifier included as Fig. 5 of
reference [STO892], it is shown that the threshold of detection is controlled
by using the variable gain of the amplifier/filter, whose gain is selectable
through a capacitor array. This and another reference to the use of correlated
double sampling techniques seems to imply that the sense stage is based on
switched capacitor techniques.

The only data given on consumption establishes that the overall typical
consumption (including the processor) is 8lLlA and the minimum operating
voltage 1.7V.

The third and fourth papers ([NOV99] and [NOVO1]) present the
design of an output stage.

Regarding conference proceedings, presentations have recently come
from Italian groups, mainly related to the University of Padova and the
pacemaker company Medico ([LENO1], [GERO11], [GEROO], [GERO012],
[BASOL1]).

In Reference [LENO1], Lentola et al. describe the implementation of an
atrial sensing channel in a 0.8um Bulk CMOS technology. The circuit is
based on two external 47nF decoupling capacitors, a continuous time
differential preamplifier, a third order (1 order high-pass cascaded with 2™
order band-pass) switched capacitor filter, 5 bits DAC for threshold voltage
programmability and comparator. The proposed filtering is suitable for
"early sensing" applications. The total consumption is 1A (of these 0.45uA
are drawn by the preamplifier and 0.15U1A by the switched capacitor filter)



1. Implantable Cardiac Pacemakers 21

and minimum operating voltage is 2V. The noise amplitude is 5.1mVrms at
the filter output.

Gerosa et al, propose in [GERO11], a class AB log-domain 2™ order
band-pass filter / amplifier, in 0.8tm Bulk CMOS technology. The amplifier
provides a programmable gain from 50dB to 70dB. This filter has no
automatic tuning and is intended to provide rough filtering, with the
required pass-band fixed by a following stage. The log-domain amplifier
dissipates 2.8 uW, i.e. also 1pA at 2.8V, not including the comparator and
following filtering stages. This amplifier presents 1.7uVrms noise at the
input.

The alternatives for the following filtering stages after this log-domain
amplifier are presented by the same authors in references [GER0O] and
[GERO12]. In [GEROO] they propose an architecture for the acquisition and
digitization of cardiac signals in a pacemaker, based on Sigma-Delta
modulation. Then further filtering would be provided in the digital domain.
According to simulations the dynamic range achieved by this Sigma-Delta
modulator is larger than 50dB with an oversampled frequency of 8kHz.

In reference [GERO12] they compare this solution with a switched
capacitor (SC) band-pass filtering solution. The circuits, implemented in
0.8um CMOS technology, can operate at a minimum voltage of 2V while
consuming, including the preceding log-domain amplifier, SUuW (i.e. 1.8uA
@ 2.8V) for the Sigma-Delta modulator solution and 3.6uW (i.e. 1.3uA @
2.8V) for the SC solution. When analyzing and comparing these results it
must be pointed out that, on the one hand, the power consumption in the
Sigma-Delta case seems only to include the modulator and not the following
digital signal processing stages and, on the other hand, in references
[GERO11],[GEROO] and [GERO12] the results provided come only from
simulations.

Finally, a 4" order bandpass switched-opamp switched capacitor filter
based on the switched-opamp technique for sense channel application is
presented by Baschirotto et al in [BASO1]. It operates from a 1V power
supply, consuming 1.2uW. Sampling frequency is 1kHz and is implemented
in 0.35um standard CMOS technology. Though the low supply voltage
achieved is an interesting feature, nevertheless this is not the case in actual
pacemaker circuits.

These results show that the current consumption reached in published
work is at least 1UA.

Let us conclude this description of the specification of cardiac
pacemakers circuits by pointing out that, though the trend of expanding
pacemaker features has been possible due to the evolution of microelectronic
systems, the reduction of power consumption (to increase the device
lifetime) and size (which is linked to consumption through the battery size)
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are still central goals [SAN96]. Our work addresses this challenge for the
case of the analog circuitry through the joint application of SOI technology
and novel design approaches.

3. OTHER MEDICAL DEVICES

This section reviews the basic specifications of other medical functions
and devices. The comparison of these specifications with those of cardiac
pacemakers will allow us to analyze the scope of application of the result of
this work.

Our work centers on analog signal processing functions that are
associated to measurement blocks of pacemakers. Several other
measurements are of interest in the medical domain. Table 1-3 summarizes
the main characteristics of various examples. They are classified according
to whether they are of interest for present or future implantable devices or
they correspond to techniques applied in external devices.

Implantable devices generally require the measurement of physiological
parameters in order to operate in a closed loop. This is the case in
pacemakers and is also the case of Functional Electrical Stimulation (FES)
systems mentioned in the Table. FES systems aim at artificially restoring
bodily functions, such a those provided by an organ or limb, particularly in
cases where is missing the normal brain command through the neural
system, e.g. when a spinal cord injury exists. The first part of the Table
summarizes this kind of feedback measurements that are related to
implantable devices. Along with this feedback purpose, there exist
measurements which are interesting even separate from stimulation
capabilities. This is the case of monitoring of glucose concentration in blood
([HEL99], [SHU9%4)).

The second part of the table presents examples of measurements taken
from the surface of the body and thus applied in external devices.

A common characteristic of medical measurements is variability. As
stated in [WEB952]: “Most measured quantities vary with time, even when
all controllable factors are fixed. Many medical measurements vary widely
among normal patients, even when conditions are similar”. Therefore, in
most of cases, it does not make sense to perform high precision
measurements; rather medium to low precision and signal to noise ratio are
enough, particularly for providing a qualitative feedback for stimulation
systems.

When we compare the signal characteristics (amplitude, frequency) to
what was presented in the case of the pacemaker sense channel (which
corresponds to the first row of the table), it appears the similitude with the
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other cases presented. A broader range of agreement results if we compare to
both the sense channel and the accelerometer circuit, which reaches lower
amplitude and frequency values. Nevertheless, two main differences are
noted. First, the requirement of measuring the DC component in some
systems, which would impose the application of offset cancelling techniques.
Second, the fact that neural and myoelectric signals extend to higher
frequencies, whose main impact would be on the consumption achievable.
The consumption issue is further discussed below.

Table 1-3. Basic specifications of medical and physiological measurements.

Parameter or measuring Frequency Amplitude Range Intended Application

technique Range (Hz) (Note 1)

With current or foreseen application in implantable devices

Intra-cavital 30 ...200 0.1...10mV Cardiac Implantable Devices

ElectroCardioGram (Pacemakers, Defibrillators,

(ECG) Ventricular Assist Devices)

Acceleration 0.5..10 0.01..1mV Pacemakers

Nerve potentials DC ... 10000 0.01...1mV Functional Electrical
Stimulation (FES)

Myoelectric signals DC ... 10000 0.1...5mV Functional Electrical

(signals from muscles) Stimulation (FES)

Biochemical Sensors, DC...0.1 nA [SHU94, Diabetes Management

(particularly for LAM92]

Glucose)

Pressure Sensors DC...50 10uVv... 10mV Blood [PAR98] and Bladder

Pressure Monitoring

Applied in external devices

Surface 001...250 0.5...4mV Monitoring, from skin
ElectroCardioGram electrodes

(ECG)

ElectroEncephaloGram DC ... 150 0.005 ...0.3 mV  Monitoring, from scalp
(EEG) electrodes

Source: [WEB952], except those related to pacemakers and where otherwise noted.
Note 1. Representative values of sensor voltage or current output are indicated when the
measured magnitude is not directly a voltage.

The measurements that are aimed at implantable devices have similar
constraints to the acceptable consumption levels as pacemakers. This is hard
to achieve in cases where higher frequencies and lower amplitudes, and
hence lower noise, are sought, as in some cases where neural signals are
involved. The requirement on consumption in devices that deal with the
neural system is often further strained by the need for having several
measurement channels. In these cases, the solution has been the application
of RF powered implants [AKI98]. The recently announced rechargeable
implantable grade batteries (see Section 1.2) could provide an alternative
solution. Powering the implant by RF energy allows to operate with much
higher consumption levels. Nevertheless, to save power is still a concern, in
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order to improve the size, weight and autonomy of the external device that
powers the implant and to expand the capabilities of the implant, while
respecting the safety limits for energy transfer through the skin and tissues.

Finally, power is also a concern in external devices for monitoring, since
portability is sometimes a desirable feature, as in the case of cardiac Holter
studies.

The advance of microtechnologies and medical research makes possible
new medical devices to reach the market and originates a larger number of
feasibility studies and prototype development efforts. This trend is
particularly intense in the case of implantable devices. In the implantable
area new medical methods are devised (e.g. Parkinson's disease treatment
through neurostimulation at the brain [BRA98] or evolution of pacemakers
aimed at treating heart failure (heart pumping deficiency) [MOOO1]) and
existing functions are transferred to implantable form to improve
performance or patient comfort (e.g. glucose sensors [HEL99]). Along with
devices intended for clinical application, we have those aimed at aiding
biomedical research, as the project presented in [PAR98], where we
contributed to the development of an implantable telemetry unit aimed at
biomedical research applications.

The systematization in this book of novel techniques and design methods
aimed at low power design of analog circuits, together with the application
of SOI technology, is believed to be a tool for aiding in solving the
challenges presented by these new generations of medical devices.

4. CONCLUSIONS

The operation of cardiac pacemakers and the constraints and
specifications of its blocks have been presented.

The essential characteristics of the sense channel, which will be the main
research example for this book, may be summarized as follows:

Low frequency, low order band-pass filtering with high (700) in-band
gain is required.

Intended for qualitative signal detection, thus medium signal to noise
ratio (40dB) is enough.

Consumption below 1puA and operation with 2V power supply are
needed.

These characteristics are also required in many others medical
measurement functions, particularly those included in implantable devices.
The advances in microtechnologies are giving birth to new devices that will
benefit from the improvements achieved in the fulfillment of these
characteristics.
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Industrial Implementation of Pacemaker Integrated
Circuit in Bulk CMOS Technology

This chapter will discuss the architectural alternatives, trade-offs, actual
design and results of circuits we have implemented in Bulk CMOS
technology, for a pacemaker's analog processing functions.

The analysis of this industrial design will provide us with detailed
specifications and performance data that will be later applied to design and
evaluate alternative architectures and technology (SOI).

Particularly, we will focus on the sense channel design, which is the main
example of application circuit considered in this book. In addition, the
design of the activity sense block is described in Appendix 2. The design of
this last block further exemplifies the techniques applied to achieve
micropower consumption and correct operation at 2V power supply in a
standard Bulk technology.

The designs are part of the ASIC for implantable cardiac pacemakers
developed at the Instituto de Ingenierfa Eléctrica, Universidad de la
Republica, Uruguay, under a contract with the Centro de Construccién de
Cardioestimuladores del Uruguay S.A. [CCCO03]. The ASIC includes all the
circuitry of a dual chamber implantable pacemaker except for the
microcontroller: sense channels, signal conditioning and processing circuitry
for an accelerometer for rate adaptation, programmable voltage multipliers
for stimulation, polarity switches, battery voltage supervision, demodulation
for short range telemetry, microprocessor interface and current reference. It
occupies a die area of 36mm’ in a standard 2.4um analog CMOS process
with double poly and double metal. This process is intended for 5V power
supply and has nominal threshold voltages of nMOS (pMOS) transistors of
0.85V (-0.85V) with minimum and maximum specified values of,
respectively, 0.7V (-0.7V) and 1.0V (-1.0V). The fulfillment of the 2V
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requirement in such a process, presents challenges due to the detrimental
effect of low supply voltage on aspects like analog switches on-resistance,
operational amplifier input common mode range and output swing, which
will be further discussed in the following chapter. The methods required to
overcome these limitations are considered in this chapter for the case of the
sense channel and in Appendix 2 for the accelerometer signal conditioning
circuit.

Some results derived from the work developed in this project are
included in publications [BAR96],[ARN98],[ARN97] and [BAR98].

Figure 2-1 shows a photograph of a production chip. The project is in
industrial phase. The chip is being produced in volume (yield of 81%) after
passing qualification (reliability assessment) tests [EURO1].

The layout of the circuit is shown in Figure 2-2.

The rest of the chapter discusses the design of the sense channel. The
selection of the overall architecture and the main design characteristics of the
basic building blocks are presented. In particular the compromise involved
between the use of external components and the implementation of fully
integrated solutions is discussed.

Figure 2-1. Photograph of production chip of ASIC for pacemakers.

1. SENSE CHANNEL DESIGN

As described in the previous chapter, the implementation of the sense
channel requires amplification / filtering and comparison to detect a
programmable amplitude of the input signal. Concerning the overall
architecture, the main alternatives in order to implement this programmable
threshold of detection are to have a variable gain amplifier and a fixed
comparison threshold or a fixed gain amplifier with a variable comparison
threshold or a combination of both. We selected the second alternative,
whose basic block diagram is shown in Figure 2-3.
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Figure 2-2. Layout of Bulk CMOS industrial ASIC for pacemakers. This chip includes all the
modules of a dual chamber pacemaker except for the microcontroller, which is a separate
chip.

AMPLIFICATION
AND
FILTERING

PROGRAMMABLE

REFERENCE
VOLTAGE 4—\— bo.b4

Figure 2-3. Basic sense channel architecture.
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As described in [BAR96] and explained hereafter, the variable threshold
is appropriately implemented through a classic capacitive charge
redistribution D/A converter [MCC75] for the following reasons.

This capacitive D/A converter can be refreshed once per cardiac cycle
while the sense amplifier is not active. In this capacitive architecture, there is
no static current consumption and since the output is basically constant, the
dynamic power consumption is negligible. To have 16 programming steps
for the sensitivity of the circuit, the central 16 levels of a 5 bits D/A with full
scale equal to the supply voltage can be used. This avoids operation close to
the supply rails for the input stage of the comparator and the output stage of
the amplifier. In this case, each threshold step at the input of the comparator
is the power supply divided by 32; i.e. 87.5mV at nominal supply voltage. In
order to allow detection of input test signals of 0.2mV amplitude with this
threshold, the band-pass filter must have an in-band maximum gain of about
700.

This arrangement introduces a dependency of the threshold of detection
on the supply voltage corresponding to a variation by 28% near end of life
(2V supply voltage). Better results can be achieved if a bandgap reference is
applied for the D/A converter. This of course has the drawback of increased
consumption.

The alternative solution involving a variable gain amplifier would be
more complex since the operation at 2V power supply in this process
precludes the utilization of switches to handle signal in the whole supply
range, unless an on-chip clock voltage-multiplication scheme is applied. The
limitation of switches is illustrated in Figure 2-4 that plots the on-
conductance and on-resistance of a switch, implemented as the parallel
connection of a n and a pMOS transistor driven by complementary signals,
as a function of the input voltage of the switch. This graph depicts the case
of a typical bulk technology. The characteristics of analog switches in bulk
and SOI technologies and the details behind the calculation of this plot are
further discussed in the next chapter.

Figure 2-4 shows that in standard bulk technologies there exists a gap in
the input voltage range where both transistors are virtually cut off and the
on-resistance is excessively high, even for the low speed application under
consideration where a relatively high RC time constant would be acceptable.
To decrease the on-resistance to acceptable levels by increasing the aspect
ratio of the transistors is also non-practical because it would lead to an
unacceptable charge injection error.
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Figure 2-4. On-conductance (solid lines) and resistance (dashed lines) of Bulk CMOS switch
vs. input voltage for 2V power supply with nominal threshold voltage (VTO = 0.85V) and
maximum threshold voltage (VTO = 1.0V) for both nMOS and pMOS transistors. This plot
was calculated applying the EKV model ([VIT93,ENZ95]) with a body-effect coefficient of
1.5 (see next chapter for further details).

Let us discuss the implementation alternatives and trade-offs in the
amplification and filtering stage. We will first consider two aspects: the
impact on the overall system of having some external components and the
constraints imposed by the large time constants and high gain required.

1.1 Fully integrated vs. external components

One first issue is the fully integrated vs. external components dilemma.

On this issue, the following points must be taken into account.

1. The trend of reducing size in implantable devices is very clear ((SAN96])
and easy to understand since it makes the implant more physically and
psychologically comfortable for the patient. However, as we previously
pointed out, we must keep in mind that the overall implant size is linked
to consumption through the battery size. Therefore the fully integrated vs.
external components discussion has a third party that is the resulting
consumption and its impact on battery size or duration.

2. External components are practically unavoidable. In the case of the Sense
Channel, they are related to the safety requirement that a single fault will
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not provoke catastrophic failures like DC current higher than a very low
leakage current passing through the heart. One way to guarantee this
condition is to have an external capacitor in series with the connections to
the sense amplifier prior to other connections. In this way, DC current is
blocked by this capacitor in case of occurrence of any other fault. In case
of a fault in this capacitor (e.g. a short circuit), the normal operation of
the rest of the circuit guarantees there is no DC current going to the heart.
This was applied in our case and a 47nF external capacitor is also applied
in [LENO1] in this location, probably for the same reasons.

3. When considering fully integrated solutions, other factors must be
evaluated besides consumption. These are the impact on chip size due to
the circuit complexity and required auxiliary blocks (e.g. sampled data
circuits require anti-alias filtering stages and integrated continuous time
filters must be associated with tuning blocks). The impact on chip
testability, due to a less observable and controllable device must also be
taken into account.

4. The use of external components imply to handle off-chip load
capacitances, which are higher than the ones required in fully integrated
solutions. This might result in an increase in power consumption higher
than the one due to the more complex circuitry of fully integrated
solutions. However, the application of a class AB output stage, as the one
proposed in Chapter 5, highly reduces the consumption penalty due to
this load in quiescent conditions, which is the condition the stage is most
of the time.

To summarize, we consider important and useful to search for fully
integrated solutions. However, to be inflexible or obstinate on this issue may
block the way to better solutions from the point of view of the global system.

1.2 Filter implementation alternatives: the large time
constants and large gain problems

A second question is the actual circuit architecture. This is marked by
two key specifications: filter characteristics and consumption.

We will start by considering the filter characteristics.

Our basic specification calls for a low order filter (a second order band
pass filter with 20dB/dec roll-off at both sides of the band). The auxiliary
blocks that are required in some circuit techniques are an overhead to this
simple filter that cannot be afforded when the goal is to minimize power
consumption. This is the case for the anti-alias filter in switched capacitor
blocks and automatic tuning stages in integrated continuous time filters.

Other key characteristics of the filter are its low frequency (70Hz to
200Hz) and high gain (about 700).
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The implementation of large time constants requires either high
capacitor values or high resistor (or equivalent) or both. Let us illustrate this
for the sense channel filter, considering the time constant corresponding to
70Hz, i.e. (1/2.I1.70), which is equal to 2.3ms. The actual time constant
would be a little different since 70Hz is the desired -3dB frequency that in
this narrow filter will be slightly different from the filter poles, but let us
apply this value as representative of the time constants involved in the filter.

We will consider the four circuit techniques shown in Figure 2-5: an
active RC filter, a MOSFET-C filter, where the resistor is implemented by
the linear region resistance of a MOSFET, a transconductance — C (gm-C)
filter and a switched capacitor filter.
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Figure 2-5. First order, high pass filtering sections considered for evaluation of feasibility of
implementation of large time constants. a) Active RC, b) MOSFET-C, c) g,,-C and d)
switched capacitors architectures.

An approach for implementation of filtering functions that has gained
attention in the last decade, particularly for a low supply voltage
environment, is log-domain filters ([ADA79], [SEE90], [FRE93], [ENZ98]).
However from the point of view of the implementation of large time
constants, the time constants in log-domain filters are given by C.n.Up/Iy,
where n is the body-effect coefficient of MOS transistors, Uy is the thermal
voltage and I, is the bias current of an MOS transistor operating in the
weak inversion region, in order to provide the exponential characteristic
required to implement log-domain filters. Considering the g,/Ip ratio in weak
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inversion is a constant equal to 1/n.Ur (see [VIT93,ENZ95] and section 1,
Chapter 3), the time constant can be rewritten as C / (Iyias.(gw/Ip @ weak
inversion)), which is equal to C/g,, thus leading to the same required Iy, as
the one considered below for g,,-C filters.

If we limit the capacitance value to 100pF as a maximum value that
could be integrated, then Table 2-1 shows the required value of: (1)
resistance (R) for a RC filter, (2) transistor aspect ratio (W/L) for a
MOSFET-C filter, (3) transconductance (g.) and bias current required for a
g.-C filter and (4) the capacitor ratio required in a switched capacitor (SC)
filter with a sampling frequency f; of 10kHz.

The detailed calculation criteria are presented in Appendix 1.

Table 2-1. Required components characteristics for RC, MOSFET-C, g,~C and SC
implementation of filter with time constant T of 2.3ms and capacitor C of 100pF. The
following conditions are considered: a pMOS transistor, which provides the highest resistance
due to lower mobility, in the MOSFET-C filter; a typical transconductance to drain current
ratio (g,/Ip) of 25 for the g,-C filter and a sampling frequency of 10kHz for the switched
capacitor filter.

R-C filter MOSFET-C filter g.—C filter SC filter
R=1/C ﬁwm)=(R-“'Cox- ) gn=1/R Lyias=gm/ (8w/Ip) (C/C)=1.1;
(Vop-Virn.Vsp) |y
23 MQ (1/414) 43 nS 1.7 nA 23

A look at this table shows that the resulting values are at the acceptable
limit of integrated solutions or even beyond, except for the SC case. It is
much worse when the required in-band gain of 700 is considered. This
would imply that the RC and SC implementations require resistor and
capacitor ratios around 700 times the value shown in Table 2-1.
Equivalently, for the MOSFET-C and g,-C filters, to provide this gain,
components with (W/L) and g,, 700 times smaller than those shown in the
table would be needed. This could be avoided by realizing the gain in more
than one stage or separating the gain and filtering stages as it is done in
[LENO1] and [GERO012]. However, this might lead to higher consumption, as
more operational amplifiers are required, though the requirements for them
would be different in both cases.

The results of Table 2-1 are based on the straightforward implementation
of each filtering technique. Several efforts have been deployed for a long
time to develop techniques to ease the integration of large time constants.
These techniques are reviewed in Appendix 1. The analysis of these methods
leads to the conclusion that though viable, their application to achieve full
integration of the required large time constants and gain, must pay the price
of an increased power consumption, that may derive from additional circuit
functions to achieve the desired time constants (as in the case of capacitance
multiplication techniques discussed in Appendix 1) or that may stem from
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applying an integrated filter with auxiliary functions as tuning or anti-alias
filtering or increased bandwidth requirements in SC circuits. In the case of
the industrial chip implementation, the greatly increased complexity was
also a concern for reliability, yield and development time reasons. All these
reasons lead to our decision of applying an active RC filter with external
passive components, some of which are, in any case, needed for the
explained safety requirements. Nevertheless, for comparison purposes, an
implementation applying switched capacitor circuits was also designed and
tested. It will be discussed in Chapter 6.

1.3 Final sense channel architecture

The solution we applied for the sense channel filter amplifier was a single
stage one. This solution is presented in the following paragraphs in the way
it is implemented in the industrial pacemaker chip. In Chapter 6 we will
present a version of this architecture on Fully-Depleted SOI technology,
which by taking advantage of novel amplifier design approaches, achieves a
record ultra-low consumption.

The basic architecture of the filter amplifier is shown in Figure 2-6.

The bandpass filtering and amplifying function is based on the
operational amplifier and external passive components R1, R2, C1 and C2.
The output of the filter is compared with the programmable threshold set by
the 5 bits D/A.

The CL capacitor shown at the output of the op amp represents the
parasitic capacitance at this node, which is increased due to the connection
of off-chip components at this node. The total loading requirements on the
op amp are discussed below when the op amp specifications are considered.

R c1 — \AS—
ViO——AAA { }

Do

By :
Vbias O——/

_J:J_ et Dia ——-0b0..b5

Figure 2-6. Basic sense channel amplifier / filter architecture. From [SIL021], © 2002 IEEE.
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The actual circuit is completed with clamping diodes and serial switches,
not shown, required to isolate the circuit from the stimulation pulses.

The Vbias voltage, which fixes the common mode voltage at the op amp
input and the quiescent voltage at its output, is generated as follows. A
second capacitive D/A converter, identical to the one that generates the
programmable comparison threshold is used. The input to this second D/A
converter is fixed at 00111, setting the quiescent level at the input and output
of the amplifier at (7/32) of the supply voltage (or reference voltage of the
D/A converters). This method allows precise tracking between the quiescent
output level and the programmable threshold. The only drawback is larger
die area. The selected quiescent level of (7/32) of the power supply voltage
suits the input common mode range and output swing of the amplifier and
the input range of the comparator. This quiescent level, displaced towards
ground, is coherent with the input signal, which is a negative pulse that
generates a positive pulse at the output of the amplifier. This positive pulse
is detected when its amplitude is bigger than the selected threshold, which
varies between 8/32 and 23/32 of the supply voltage, yielding 16
programmable steps.

Depending on overall system decisions, variations on this structure can
be applied, like having a differential input or second comparator to have a
window comparator. The circuit applied in the industrial chip design
includes a differential input, as shown in Figure 2-7. In this case a buffer is
required at the output of the D/A converter that gives the fixed Vbias
voltage, since the load is no longer solely the input capacitance of the
operational amplifier.

From Heart R1 ¢ |
;..m:dugh]e " \ To Microcontroller
8. alectlion +

Block R1 c1 f‘l
c2

Threshold Programming

Fixed Reference (00111)

Figure 2-7. Schematic of sense channel in industrial chip with differential input (input
clamping diodes not shown)

Let us discuss the characteristics of the selected filter topology. This filter
structure allows to implement the desired gain and second order band-pass
response based on a single operational amplifier. This is an essential aspect
to reduce consumption. Another equally important factor is the reduction of
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the needed external components. Although, along with classical biquad filter
structures with two operational amplifiers, there exist other configurations
based on a single amplifier [SED78], they usually require more complex RC
networks and to have higher than unity gain becomes more difficult.

The initial drawback with the architecture of Figure 2-6 is that the
resulting transfer function when considering an ideal op. amp. can only
implement real poles (or equivalently can only implement a quality factor Q
lower than ¥2). The required response corresponds to a transfer function with
complex poles and quality factor of 0.9. This issue is solved by letting the
frequency response of the amplifier define the low pass characteristic. In this
way, complex poles are achieved.

Allowing the amplifier to set the low pass characteristic alone, even C2
can be eliminated. However, in this case the low-pass cut-off frequency is
more sensitive to variations of the amplifier's transition frequency (fr). This
conclusion is supported by the results shown later in Table 2-2, where the
change in the filter's cut-off frequencies and gain due to changes in fr for
designs with and without C2 are listed. In this table, the filter gain is
represented through its effect on the channel sensitivity, i.e. the amplitude of
the triangular input signal corresponding to the threshold of detection.

The utility of C2 is twofold. On one hand, the dependence of the
frequency response on the amplifier's fr is reduced. On the other hand, an
external way of adjusting the low-pass cut-off frequency is available. This
external adjustment is particularly interesting to adjust the frequency
response for both the atrial and ventricular channels, while applying the
same operational amplifier (hence, the same fr) in both cases.

1.3.1 External components and amplifier specifications

From the architecture of Figure 2-6, the requirements on its basic
components, amplifier and comparator, as well as the values of external
components can be derived.

External components and operational amplifier transition frequency (fr)

These parameters determine the filter response. We will consider in what
follows the case of the atrial sensing channel, which is the one handling the
smallest signals, hence requiring the highest gain and having the more
demanding requirements.

Due to the high closed loop gain, the op amp frequency response
influences the low pass filter characteristic at frequencies well below the
transition frequency and the non-dominant pole frequency. Therefore, the
meaningful parameter to characterize the influence of the op amp frequency
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response on the overall filter frequency response is the transition frequency
of a first order model of the op amp instead of the actual transition
frequency, which is influenced by the non-dominant pole. Unless otherwise
noted we will refer as fr to this first order, extrapolated transition frequency.
The external components and fr values applied were: R1 = 22kQ, Cl1 =
47nF, R2 = 22MQ, C2 = 15pF and fr = 160kHz. This component and fr
selection complies with the following criteria: to provide an input impedance
of the filter higher than 20k, as required in the general specifications
presented in Chapter 1; to set a high load impedance (high R2 and low C2
values) for the operational amplifier and to approximate the desired
frequency response with standard component values. The selected values
yield —=3dB frequencies of 76Hz and 240Hz and an input threshold voltage
step of 0.23mV. The selection of non-standard values for the external
component makes it possible to set the frequency limits and threshold
voltage step much closer to the initial specification of a 70 to 200Hz
frequency band with 0.2mV step. Nevertheless, as analyzed in Chapter 1,
this is not critical. The rest of the work applies the standard values presented
above.

Table 2-2 quantitatively assesses the benefit of controlling the low pass
cut off frequency partly by capacitor C2, instead of letting it be fixed only by
the op amp f1. The filter characteristics considered in Table 2-2 are the —3dB
frequencies and the channel sensitivity defined as the necessary amplitude of
the triangular test signal in order to reach the detection threshold. Table 2-2
shows, in the first two columns, the effect on these characteristics due to
variations of fr and C2 of respectively £20% and +5% around their nominal
values (respectively 160kHz and 15pF). Only one parameter is varied in
each column and all the other components are fixed at their nominal value.
The third column of Table 2-2 addresses the effect of fr spreads in a design
without the C2 capacitor. In this third column, nominal values that yield the
same -3dB frequencies and sensitivity as the final design were considered
for the rest of the parameters: f;=120kHz, R1=22kQ, C1=65nF and
R2=16MQ.

This table shows that the inclusion of C2, besides providing a tuning
element for the high cut off frequency, decreases the variation of this
frequency with fr, from around 15% to about 12%.

Load

The load capacitance was specified at SOpF. This value takes into account
the parasitic capacitance associated with the off-chip connection and the
external C2 feedback capacitance.
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The load resistance is given by the feedback resistor R2 (22MQ) and a
10MQ resistor to ground to allow for the measurement of the stage operation
with an oscilloscope.

Table 2-2. Variation of the filter characteristics (-3dB low and high frequencies and channel
sensitivity) due to changes of fr and C2. All variations are taken around the following
nominal values: the first and second columns apply the nominal final design values:
fr=160kHz, C2=15pF, R1=22kQ), C1=47nF and R2 = 22MQ; the third column considers
nominal values that taking C2 equal to zero, yield the same —3dB frequencies and sensitivity
as the final design: f1=120kHz, R1=22kQ, C1=65nF and R2=16M(Q.

Design with C2 Design without C2
Afy =+20% AC2=%5% Afr =+ 20%
Af 3qplow (%) +4.2/-32 +0.87 /-0.86 +4.2/-5.3
Af 34ghigh (%) +11/-12 +0.34/ -0.32 +15/-15
Asensitivity (%) +2.9/-1.8 +0.75/ -0.75 +3.7/-2.3

Operational amplifier low frequency gain (A,)

The low frequency gain (Ay) must be such that the filter response is not
too dependent on the A, value, which might have a large spread. From the
transfer function of the filter of Figure 2-6 it can be observed that the
condition to assure that the transfer function is independent of A, is that:

R,C;

Ay > (2.1)

R,C, +RC; +
2%2 1127th

The resulting condition for the above referred values of external
components and fr is Ay >> 757. The goal for the A, gain was set above
10000 (80dB).

Phase margin, slew-rate and load current

When referring to slew-rate it is important to remember that it must be
separately considered for each one of the amplifier's stages. Phase margin
and load current (which imposes the output stage slew-rate) are dependent
on the output stage architecture and current. Hence, we will discuss these
three aspects together since requirements on one of these parameters impact
on the others.

The required peak output current is given by:

1
Iload,peak =Vout,peak R_ + 27""fmaxCL (2'2)
L
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where Voupeak 1S the maximum peak output voltage, Ry and C. are the
resistive and capacitive components of the load and f;,x is the maximum
signal frequency to be delivered at the output without distortion. We will
consider Vgypeac to be half the supply voltage, which is the span of the
detection thresholds at the input of the comparator. The f,x frequency will
be considered equal to 200Hz, which is the ideal low-pass cut-off frequency
of the filter. The resulting maximum load current is 290nA. This definition
of f...x is more demanding than just considering the case of the triangular test
signal. In the case of the triangular test signal, the resulting load peak current
is 220nA.

A key issue is that this load current requirement sets a minimum
quiescent consumption for the amplifier output stage, unless a class AB
output stage is applied, in which case the quiescent current is lower than the
maximum output current'.

The definitions of V gy peax and finax require a slew-rate (SR) of

SR = Vi peak -2 o =1759 Y/ (2.3)

This slew-rate requirement must be fulfilled by both the amplifier input
and output stages. In the case of the output stage, achieving the desired slew-
rate is equivalent to complying with the load current requirement previously
discussed. In the case of the input stage, the needed slew rate also limits the
minimum value of bias current that can be used. However, there is an
essential difference with the output stage. If an amplifier with more than one
stage is applied -let us consider for instance a two stage Miller amplifier,
which will be the one used in our case - the input stage slew-rate will be
related to the much smaller Miller capacitor instead of the load capacitor.
Consequently, the input stage slew rate requirement is fulfilled with much
lower currents than the output stage one. This makes it unnecessary to apply
methods to improve the input stage slew rate, such as class AB input stages
architectures [CAS852, DEGS82].

Regarding the phase margin, an important consumption reduction can be
achieved exploiting the fact that the amplifier is intended for application at a
fixed feedback condition with high gain. In this configuration, the modulus
of the open loop gain of the whole filter will value one when the op amp
open loop gain equals the closed loop gain. This happens approximately at
the low pass cut off frequency, since this cut off frequency is defined by the

This analysis led us to the development of a new approach for the design of a micropower
class AB output stage. This micropower class AB output stage is an essential element to
achieve extensive current saving in the sense channel implementation presented in Chapter
6.
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op amp frequency response. Hence, the phase margin must be evaluated at
this frequency. The classical phase margin requirement at the transition
frequency, which considers as a worst case a unity gain closed loop gain, is
not relevant. Our design criterion was to have the non-dominant pole of the
amplifier at least 2 decades after the closed-loop dominant pole frequency
(200 Hz), i.e. after 20kHz. This criterion is conservative but has been chosen
for two reasons. First, it allows for a safety margin in the load capacitor
value. Second, in practice, for all the architectures considered, the load
current requirement dominates over this requirement, imposing the non-
dominant pole to lie at frequencies slightly higher than 20kHz. Therefore
though lower non-dominant poles could be allowed, this fact could not be
exploited to further reduce consumption.

Input common mode range

In the architecture of Figure 2-6 the operational amplifier operates at a
fixed common mode input voltage of Vy,, set at 7/32 of the power supply
voltage, i.e. from 0.44V to 0.61V when the power supply ranges from 2V to
2.8V. This input common mode range close to ground suggests the
application of a p-type input stage, which is also convenient due to its better
1/f-noise characteristics.

Output swing

The amplifier output must be able to vary from the quiescent point at
Viias Up to Vi plus half Vpp, which is the range of comparison thresholds.
Therefore in the worst case condition of 2V power supply, the output swing
must be from Vg + 0.44V up to Vpp — 0.56. This is not very demanding, as
expected, since the selection of the overall architecture took care of easing
this aspect.

Common mode rejection ratio

In the case of the architecture of Figure 2-6, there is no common mode
signal since the common mode input is fixed at Vbias. This is not the case in
a differential topology like the one in Figure 2-7. However in the case of a
differential topology the overall filter CMRR requirement is fixed at 40dB
and is mainly set by the matching of external components.

Power supply rejection ratio

This specification is not critical since the circuit is powered from a
battery and when in operation, no other important source of consumption
that might alter the battery voltage is present.
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Overall precision: component spread, offset and noise

The overall precision in the threshold of detection depends on several
factors. The spread of external components as well as that of the amplifier
transition frequency and open loop gain vary the filter gain. The effect of the
offset and noise of the op amp and comparator can be modeled as a variation
in the level of comparison set by the D/A converter (see Figure 2-6). We will
first consider the variation of the filter characteristics due to the expected
spread of components and op amp characteristics (fr and A) to then derive
the requirements on offset and noise of the op amp and comparator.

Table 2-3 evaluates the variation in the filter characteristics with the
spread of external components, amplifier transition frequency and open loop
gain.

The filter characteristics considered are the —3dB frequencies and the
channel sensitivity defined as the necessary amplitude of the triangular test
signal in order to reach the detection threshold. Table 2-3 shows the effect
on these characteristics due to variations in R1 of 1%, in R2 of 5%, in C1
of £10%, in C2 of 5%, in fr of £20% and in A, of £10dB around nominal
values of, respectively, 22K, 22MQ, 47nF, 15pF, 160kHz and 85dB. The
considered tolerances are, in the case of the external components, those
commonly available for the corresponding nominal value (e.g. 22K, 1%
resistors are commonly available, but 22MQ resistors are usually only
available at 5% tolerance). For the op amp characteristics, estimated worst
case variations based on the spread of process parameters were considered.
Only one parameter is varied in each row, all the other components are fixed
at their nominal value.

The results of Table 2-3 lead to compound relative variations of the —~3dB
low and high frequencies that comply with the limits of respectively 10%
and 20%, specified in Chapter 1. The variation of the amplifier gain, which
is presented in Table 2-3 through the sensitivity variation, is taken into
account jointly with the effects of offset and noise, in order to analyze the
precision of the detection threshold.

Table 2-3. Variation of the filter characteristics (-3dB low and high frequencies and channel
sensitivity) due to changes of R1, R2, C1, C2, f and A,. All variations are taken around the
nominal final design values: R1=22kQ, R2 = 22MQ, C1=47nF, C2=15pF, fr=160kHz and A,
= 85dB.

Af_3dBIOW (%) Af_3chigh (%) Asensitivity (%)
AR1 (£ 1 %) +0.4/-0.4 +0.19/-0.19 +0.4/-04
AR2 (£ 5 %) +2.0/-19 +3.2/-3.0 +3.8/-34
AC1 (10 %) +7/-6 +4/-3 +5/-4
AC2 (5 %) +0.87/-0.86 +0.34/-0.32 +0.75/-0.75
Af7 (£ 20 %) +4.2/-32 +11/-12 +2.9/-1.8

AA, (£ 10dB) +1.5/-44 +4.6/-14 +4.6/-14
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Offset and noise affect the channel performance as an error in the level of
comparison at the input of the comparator. The amplifier offset voltage
appears with unity gain at the amplifier output. Hence, it has the same effect
as the comparator offset. The amplifiers noise adds up to these two factors,
affecting the actual threshold of detection. The comparator's input equivalent
noise also adds in the same way, but it will be negligible with respect to the
amplifier's output noise and mV level offset voltages.

We will now analyze the relative error in the channel sensitivity S in
order to determine the acceptable value of offset and noise. The channel
sensitivity S is given by:

\%
s=—t 2.4
G 24)

where Vg, is the nominal selected threshold of detection referred to the
quiescent output level of the amplifier (i.e. the difference between the output
of the D/A and Vy;, in Figure 2-6), and G is the gain that relates the
amplitude of the input test signal and the output of the filter.

The relative error can be expressed as:
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Based on the statistical independence of the threshold variation and the
gain variation and assuming a gaussian distribution for both factors, the
standard deviation of the relative error in the sensitivity is given by:

0'(§)= \Fz(ﬂ} cz(ﬁ] (2.6)
S Va G
where o() stands for the standard deviation.

AG is related to the variation of sensitivity included in Table 2-3 and
AVy, is determined by offsets and noise. We will now consider how to
combine the effects that determine each of these two parameters in order to
estimate them.

In the case of AG, the worst case for the variations of R1, R2, C1, C2, f;
and A, could be considered, but this procedure leads to estimations that are

unrealistically pessimistic. Instead we consider that the results included in
Table 2-3, which are the maximum, worst case variations due to each
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parameter, correspond to three times the standard deviation of a gaussian
distribution around the nominal value of sensitivity. Then, from the values of
Table 2-3 we deduced the standard deviation of the relative variation of gain
(AG/G) with each parameter. The standard deviation of (AG/G) due to the
combined effect of all the parameters is determined based on two
hypotheses. First, that the parameters are statistically independent, which is
assured for the external components and a reasonable hypothesis for fr and
Aoy Second, we assume that for small parameters variations we can
approximate the total gain variation as a linear combination of the variation
of each parameter, as previously done in the case of the sensitivity as a
function of Vy, and G. Under these assumptions, the standard deviation of
(AG/G), i.e. 6((AG/G)) is determined as shown in Eq.(2.7), where 8G; is the
relative variation of G due to changes in parameter i.
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In a similar way, supposing the offsets are purely random (i.e. assuming
the systematic offset is negligible, which is usually the case) and taking into
account that the three factors (amplifier's offset, comparator's offset and
amplifier's noise) will be statistically independent; we can calculate the
compound effect of the three factors on 6(AVy,) the standard deviation of the
change in the threshold of detection:

_ 2 2 2
G(AVth)" \/ v offset,amp + Voffset,comp + Vnout,amp (28)

where  Vogteramp aNd  Vogrercomp are respectively the amplifier and
comparator offsets, Vyouamp is the rms value of the amplifier's output noise.

If we impose that 6(AVy,) is 20% of the minimum threshold of detection
at 2.8V power supply, applying Eq. (2.6) results in a relative error of 20%
for the smallest threshold and in an error of less than 10% for the other
thresholds. These errors comply with the precision specifications proposed
in Chapter 1. If, then, we share this AVy, error budget in equal parts among
the three factors, we have the allowable value for offsets and rms output
noise to be 10.1mV. This is a reasonable offset value to aim at, based only
on device matching, that does not require the application of any offset
cancellation technique.
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1.3.2 Amplifier implementation

In the present bulk CMOS IC, the amplifier was implemented as a class
A Miller OTA. The internal compensation was a desirable feature in order to
have a transition frequency independent from the load capacitor that could
have a large spread. This spread is, on the one hand, due to changes in the
C2 value, for example when considering the atrial or ventricular channel that
require different gain while it is desirable to apply the same internal
circuitry. On the other hand, the load capacitance varies due to changes in
the parasitic capacitance at the output node. This consideration precludes the
application of single stage amplifier architectures like folded cascode, whose
transition frequency is fixed by the load capacitance. Furthermore, a
cascoded single stage amplifier (a folded cascode or a symmetrical OTA
with cascoded output stage) would be very inefficient in terms of power
consumption, since, on the one hand, the output stage would require a high
bias current (at least 290nA as estimated above) to comply with the load
current requirement that was previously discussed. On the other hand, as the
transition frequency is set by the high valued load capacitance, the input
stage would require a much increased bias current than in the case of the
Miller amplifier, where the transition frequency is fixed by the much smaller
compensation capacitor.

The total nominal current consumption of the class A Miller OTA is
550nA, 50nA in the bias current input branch, 100nA in the input differential
pair and 400nA in the output stage. Input and output stages are biased in
moderate inversion to optimize consumption, saturation (Vps) and bias (Vgs)
voltage and area trade-off. The current mirrors are also biased in moderate
inversion in order to increase the output voltage swing while improving
matching and offset as discussed in section 3.2 of Chapter 3.

Its main measured characteristics are summarized in Table 2-4.

Table 2-4. Bulk amplifier main characteristics.

Characteristic Value
Ay 78 dB
Extrapolated first order fr 160kHz
First Stage Slew Rate 86e3 V/s
Output Stage Slew Rate 8e3 V/s
Consumption 550nA

Die Area 0.21 mm®
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1.3.3 Comparator specifications and implementation

The main comparator specifications are its speed (delay), offset and the
input signal range.

Neither the slow varying input signal nor the dynamics of the application,
which evolves at “biological” speed, are much demanding on the speed of
the comparator. The initial specification for the comparator maximum delay
was set at 0.5ms.

The required offset voltage specification was previously estimated to be
below 10mV.

The specification regarding the input signal range has strong influence on
the selection of the architecture. The architecture of Figure 2-6 requires the
comparator to have rail to rail input, or specifically it must be able to handle
input signals around half the supply voltage. In the following paragraphs, we
will discuss the consequences that this specification has and the novel
approach applied for solving it [BAR96].

We can classify comparator topologies according to their principle of
operation in three broad classes [ALL84, pp.425 - 437 in GRES86, chapter 4
in VDP9%4]:

1. based on a high gain amplifier,

2. based on regenerative or positive feedback and

3. other switched-capacitor based architectures.

Let's briefly describe each of these alternatives and evaluate them in light
of the above requirements. Topology 1. is typically an open loop op-amp
without internal compensation, sometimes in a multistage configuration to
increase the speed. The second class of topology takes advantage of the
positive feedback of a flip-flop structure to speed up the comparison.
Although exceptions exist [ALL84], these circuits usually apply one of the
following principles:

1. aswitch forces both outputs of the flip-flop to its state of unstable
equilibrium and then lets them evolve to the final state according to the
difference between the comparator's inputs, or

2. with the flip flop structure turned off, a couple of switches force the
outputs to be equal to the comparator inputs (or their amplified version)
and then turns on the flip flop that will evolve to the final state.

This structure is discarded because it requires a switch operating in the
whole power supply range. The topologies corresponding to the third class
as well as the switched-capacitor techniques available to cancel out the
comparator offset cannot be applied for the same reason.

Therefore, an op-amp based comparator topology was chosen. The input
stage of the op-amp was determined by the rail-to-rail input requirement.
The parallel combination of an n and a p differential pair was selected
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[HUIBS5]. The low speed required as well as the high gain achievable
operating in weak inversion allow the application of a single-stage structure.
Consequently, the amplifier topology shown in Figure 2-8 was considered. It
is an adaptation of the well-known "symmetrical OTA" ([KRU81]) structure
to the rail-to-rail input stage. The transconductance of this circuit varies with
the input common mode voltage level, making the comparator speed to vary
accordingly. However, this is not a problem, it just imposes to comply with
the required speed for the worst case condition, when only one of the input
pairs is operating and the transconductance is at its minimum.

Following the amplifying stage, a minimum sized buffer (to minimize the
amplifier load capacitance) is included.

VI+
p =+ T +n

input input

lVI- p

@

M21 M10

A VDD

M8

[ [ out

M14

Ib=50nA

M17 M18 Ml6 =
(b)

Figure 2-8. Rail-to-rail comparator (a) basic structure (b) detailed transistor level schematic.
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To guarantee the rail-to-rail input operation the following condition must
be fulfilled:

VDD Z VGSp - VGSn 4 2'VDSAT (2.9)

where Vpp is the supply voltage, Vgs, and Vs, are the gate source
voltage of the p and n input pair transistors and Vpgar is the minimum
voltage required across the transistors of the current sources at the source of
the differential pairs (M18 and M21) to ensure they are saturated. This
condition ensures that the regions of operation of the n and p differential
pairs overlap near Vpp/2 and that a gap where both M18 and M21 are not
saturated will not appear.

It may seem difficult to satisfy condition (2.9) for Vpp = 2V and the
typical threshold voltage of 0.85, even more for the worst case condition of
1.0V threshold voltage. However, the low Vs and saturation voltage values
reached when operating in the moderate and weak inversion regions, allow
satisfying condition (2.9) even for 1V threshold. The sizing of the transistors
was done through the method we proposed in [SIL96]. This method based on
the relation between the transconductance over drain current ratio (g4/Ip)
and the drain current normalized to the transistor aspect ratio Ip/(W/L),
allows a unified treatment of all regions of operation of the MOS transistors
and an accurate sizing of the transistors. The method can be based on
experimental curves or can be coupled with an analytical transistor model
continuous in all regions of operation. Examples of such a model are the
EKYV model [VIT93, ENZ95] and the ACM model [CUN98].

Figure 2-9 shows the calculated and measured plots of g./Ip vs.
In/(W/L).

We will illustrate the application of the g./Ip methodology and how it
allows exploring the design space by discussing the selection of the g./Ip
value for the differential pairs transistors. In this case a higher value of g./Ip
will give, on the one hand, higher g, (and hence speed) for a given Ip, higher
gain, lower gate-source, saturation and offset voltages. On the other hand, a
higher g./Ip requires, as shown in Figure 2-9, lower values of Ip/(W/L) and,
therefore, wider transistors and parasitics for a given current. Moreover, due
to the flat characteristic of the g./Ip vs. Ip/(W/L) curve near the weak
inversion region (see Figure 2-9), a small increment of g./Ip in this region
requires a large increment of (W/L). By exploring the design space through
the g./Ip method we can choose the best compromise between performance
and area. This approach led to a value of g./Ip=24V"' for the input
differential pairs transistors, which corresponds to (W/L) of 29 for the
nMOS transistors and 69.5 for the pMOS transistors. The resulting Vgs value
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is 0.7V for a threshold voltage Vr, of 0.85V and 0.85V for a Vry of 1V.
These values of Vg are compatible with condition (2.9) with a 2V power
supply and Vpsar corresponding to operation near weak inversion between
0.1 and 0.15V. It is interesting to note that a g,/Ip value of 25V (fully in the
weak inversion region) leads to (W/L) values of 198 and 477 for the n and p
transistor respectively, offering a negligible increase in gain, speed and
offset, and Vgs at V1o equal to 1.0V is only reduced from 0.85V to 0.77V.

The transistors of current sources and current mirrors are operated in
moderate inversion in order to fulfill the low Vgs and Vpsar requirement,
while improving matching and offset as discussed in section 3.2 of Chapter
3.
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Figure 2-9. Calculated (with the EKV model, solid line) and measured g./Ip vs. Ip/(W/L)
curve for the applied 2.4um Bulk CMOS technology.

Experimental and simulation results at 2V power supply are summarized
in Table 2-5 and Figure 2-10.

The results of Table 2-5 show that good agreement was reached between
expected and measured values for the comparator delay and that a careful
layout with a common centroid structure for the differential pairs resulted in
a offset value, much lower than the previously estimated requirement of
10mV.

Figure 2-10 shows the evolution of the current consumption with the
input common mode voltage. The regions where either one or both
differential pairs are operating are clearly visible.
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The design meets the challenge posed by the rail-to-rail operation
requirement at low supply voltage through a suitable input stage and careful
sizing of the transistors for operation in weak and moderate inversion. As
will be shown in the following chapters, the characteristics of Fully-Depleted
SOI Technology allows us to greatly simplify this structure leading to
substantial consumption savings.

Table 2-5. Comparator expected and measured characteristics at 2V supply voltage (unless
otherwise noted).

Design values and Measurements Comments.
simulations results

Quiescent Current 500 nA maximum See
Figure 2-10
Delay 24.7 ps 30 us Common mode input: 1.915V
15.5 ps 22 us Common mode input: 1.115V
25.6 us 30 us Common mode input: 0.115V

110mV input step with
15mV overdrive, Ib
(shown in Figure 2-8 (b)) =
72 nA, VDD =2.4V.

Maximum Delay 170 pus 32.5mV input triangular
signal with 1.5mV
overdrive, Common mode
range: 0.2V - 1.8V.

Gain 59dB Note 1 Common mode level: 0.3V
Gain 61 dB Note 1 Common mode level: 1.0V
Transition frequency 235 kHz Note 1 Common mode level: 0.3V,
Load Capacitance: 0.42pF
Transition frequency 344 kHz Note 1 Common mode level: 1.0V,
Load Capacitance: 0.42pF
Offset voltage 6.6 mV max. 2mV for  The estimation is based on
0.1V< Vi< representative matching
1.9V. data from Refs. [PEL89]

and [FOR94]: B standard
deviation o(AB/B)=0.2%
and Vg standard deviation
or=2mV.

Note 1. The output of the amplifying stage is an internal node, not available for measurement
externally to the chip (see Figure 2-8).
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Figure 2-10. Total current consumption vs. input common mode voltage at 2V power supply.

2. CONCLUSIONS

This chapter has presented our implementation of one of the main analog
signal processing blocks included in an industrial Bulk CMOS IC for
pacemakers: the sense channel.

We have discussed how the architecture selected for the sense channel
favors the reduction of power consumption. The selection of architecture is
supported on the review of the prior work on implementation of filters with
large time constants that is presented in Appendix 1. We derived then the
complete specification of the basic modules of the sense channel that will
serve as study vehicle for development of new design approaches and
implementation in SOI technology in the rest of this work.

In the selected architecture of the sense channel filter/amplifier the OTA
transition frequency fixes the cut off frequency of the filter and the OTA
must drive a high external load. We have shown that these characteristics
make a Miller OTA the most suitable choice. A further improvement to this
circuit architecture is presented in Chapter 5, with the introduction of a class
AB output stage.

We have shown the challenges for the design of these circuits aiming at
operation with 2V power supply in traditional Bulk CMOS technology.
These challenges, in our application, are mainly related to the operation of
switches and reduced input common mode range of differential stages. We
have then illustrated, for the comparator case, how the application of suitable
circuit architectures and accurate sizing of the transistors for operation in the
weak and moderate inversion regions allow us to solve these challenges. The
architectures of these circuits can be simplified based on the superior
characteristics of Fully-Depleted SOI technology, reducing power
consumption, as will be shown in the following chapters.
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Further illustration of the techniques applied to achieve micropower
consumption and 2V operation in a standard Bulk CMOS technology are
presented in Appendix 2, where the design of the accelerometer signal
conditioning circuit is presented, including a new modeling technique for a
sample and hold stage. This technique, which is aimed at an oversampling
environment, makes it possible to precisely take into account the effect of
the switch on-resistance and leakage currents on the stage operation,
optimizing the sensor interface to minimize power consumption.



Chapter 3

Potential of SOI Technology for Low-Voltage
Micropower Biomedical Applications

Silicon-on-Insulator (SOI) technology has evolved from being
exclusively devoted to "niche" market areas as radiation hard or high
temperature applications to recently becoming a player in the high
performance digital circuits market [IBMO11, IBMO12]. In addition, the
international semiconductor community sees the fully-depleted (FD) variety,
which is the one tested in this work, as one of the strong alternatives for
solving the transistor scaling challenges in next generations of very deep sub
micron processes [ITRO1]. We will summarize here the characteristics of
the type of SOI MOS devices used in this work, in order to compare later the
performance of FD SOI and bulk CMOS analog blocks in low-voltage,
micropower applications. This comparison is particularly focused on those
blocks and performance aspects that are central to the proposed
implementation of our study vehicle, the sense channel, as well as to the
implementation of other pacemaker analog blocks. This is the case of the
speed and precision of current mirrors, which are essential elements in the
class AB stage proposed in Chapter 5, and of OTA characteristics such as
the power-bandwidth trade-off, noise and offset.
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1. SOI DEVICES

Bulk nMOS SOI P.D. nMOS SOI F.D. nMOS
a) b) c)

Figure 3-1. Schematic cross sections of Bulk (a), Partially Depleted SOI (b) and Fully
Depleted SOI (c) nMOS transistors. Symbols - in a circle denote the depletion region and
symbols — represent the inversion layer.

Figure 3-1 a, b and ¢ compares the cross sections of an nMOS transistor
in standard, Bulk technology (a) with two main SOI device alternatives,
thicker film, partially depleted (PD) and thinner film, fully depleted (FD). In
SOI devices, the silicon film, where the transistor action occurs, is built on
top of a thick insulator, commonly silicon oxide (named back or buried
oxide in opposition to the front thin oxide). This back oxide is in turn on top
of a silicon wafer (most commonly, slightly p-type doped) that serves as
mechanical support and electrical contact to the back oxide. The contact to
the supporting wafer is named back electrode or back gate, since it acts on
the device through the back oxide as a secondary gate, common to all the
devices of a same die. SOI devices are thus fully, individually isolated by
dielectrics, on the contrary to bulk transistors which require isolation by
reverse biased junctions and wells.

The best performance of the SOI transistor is obtained with thin film
fully depleted devices. In these devices the silicon layer thickness is such
that for the practical operating voltages, the front and back depletion layers
are merged and the whole silicon layer can be considered depleted, except
for the front surface inversion layer that will conduct the transistor current
(Figure 3-1 c¢)). In the case of partially depleted devices, there exists a
neutral zone in the silicon layer between the front and back gate depletion
regions. Comparing this situation shown in Figure 3-1 b) for the PD SOI
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transistor and the bulk transistor shown in Figure 3-1 a) we see that the front
gate voltage effect on the channel must be much the same. However, the use
of PD devices, without a lateral contact to the transistor body to pin the
neutral region potential, gives way to detrimental floating body effects such
as the so called "kink effect" that degrades the output conductance in
saturation of these PD transistors [COL91].

In FD transistors these floating body effects are generally not significant
and the absence of a neutral zone results in an improved control of the front
gate on the channel [COL91]. This yields a reduced substrate effect which
makes the characteristics of FD devices very similar to the characteristics of
an ideal MOS transistor. The characteristics of FD transistors show less
degradation with temperature than PD and bulk MOS devices.

On the other hand, the thin silicon film applied in FD devices demands
for better film quality and uniformity control with respect to what is required
in PD devices.

The main advantages of the SOI FD transistor with respect to its Bulk
counterpart are [COL91, FLA99]: lower parasitic capacitances, reduced
substrate effect, no leakage to substrate, no latch-up in CMOS structures,
reduced short channel effects and improved temperature behavior and
resistance to radiation-induced transient errors. The drawbacks are lower
thermal dissipation capacity leading to self heating effects (which are
negligible in low power circuits), lower drain source breakdown voltage and
a less mature technology which is less available and more expensive,
although this last point is rapidly changing.

We will focus on the first three advantages, which are those that mainly
affect the operation and performance of low voltage, micropower analog
biomedical circuits that this work deals with. Next, we will proceed to
analyze how these differences with standard Bulk technology impact on the
characteristics of basic analog modules: switches, current mirrors and
operational transconductance amplifiers (OTA).

The increased distance of the active silicon from the substrate through the
back oxide reduces the drain and source to substrate capacitances compared
to standard bulk technologies. The reduction factor ranges from 3 to 7 in
2um - 3um technologies such as those we apply in our experimental
prototypes. The reduction factor grows with technology scaling, as long as
the back oxide thickness does not need to be scaled, while the bulk parasitic
junction capacitances increase with the scaling as the substrate doping is
increased to scale the width of the depletion regions. In 0.35um processes
the reduction factor in favor of SOI climbs up to range from 10 to 14. The
polysilicon and first metal layer to substrate capacitances are also reduced to
a lesser extent (reduction factor from 1.3 to 1.5). A capacitance that is also
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reduced due to the back oxide layer is the capacitance from the channel to
the substrate. This reduction gives way to the improvement in the substrate
effect in FD SOI devices. This improvement, which has widespread impact
on the characteristics of FD SOI circuits, will be analyzed next.

We will consider the substrate or body effect represented through the
parameter that quantifies the coupling between gate voltage and surface
potential, thus the effectiveness of the gate voltage to act on the channel. We
will refer to this parameter as n, as it is done in analytical models like EKV
([VIT93, ENZ95]) and ACM ([CUN98]) where this parameter plays a
central role. The body-effect coefficient or slope factor n is defined as:

_dVg
dy

3.1

where Vg is the gate voltage and vy is the surface potential at the front oxide
Si-SiO, interface. Figure 3-2 intuitively depicts the models applied to
determine n in a Bulk transistor and a FD SOI transistor ([COL91]). All
capacitances shown are per unit area. C,, is the front gate capacitance, C, is
the depletion capacitance, Cj; is the capacitance of the depleted thin silicon
film and C,, is the SOI back oxide capacitance.

a) Bulk b) SOIFD

Figure 3-2. Model for determining body-effect coefficient n in Bulk (a) and FD SOI (b).

Applying the model of Figure 3-2 a), the n factor for the bulk transistor
case results to be:

C
n:1+C—d51.4t01.6 (3.2)

(98
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in typical 0.7 - 3 um processes
While for the FD SOI transistor C4 is substituted by the series
combination of Cg; and C,,y, so that:

C,C t
nSOI:1+ si ~ oxb = 1+C0—Xb=1+_ox—z105t011

Cox '(Csi + Coxb) (Csi >§ Coxb) Cox toxb

(3.3)

where t.x and t., are, respectively, the thickness of the front and back oxides.
In SOI, as the back oxide capacitance is much smaller than the depletion
capacitance of the silicon film, the series of these two capacitances is
dominated by the back oxide capacitance. The capacitance "seen" from the
channel to the substrate, and consequently the n factor, are much reduced.
Besides this reduction, there is a further difference concerning this factor in
SOI and Bulk. Since the depletion capacitance C; in SOI is constant while in
Bulk it is dependent on the surface potential, in SOI the relationship between
gate voltage and surface potential is actually linear while in Bulk the n factor
results from a linear approximation of the square root dependence of the
depletion capacitance on the surface potential.

The n coefficient defines several important issues for device operation
and performance. On the one hand, we have the consequence most widely
associated with the body-effect, i.e. the gate-source threshold voltage
variation with source to bulk voltage. Besides, this issue, which is mistaken
in many traditional presentations of the subject as coinciding with the
substrate effect, several other effects on device operation are also associated
with the underlying physical phenomenon of the attenuated effect of gate
voltage on the channel surface potential, which is referred to as substrate
effect. Some of these "macroscopic” effects on device operation, are those
appearing on the current drive, the subthreshold slope and the
transconductance to current ratio.

The effect of n on the current drive capability of MOS transistors is
visible in the following expressions of the drain current of a saturated
transistor in the strong inversion (SI) and weak inversion (WI) regions
([ENZ95])

(Vg=Vro=n.Vs)

B (VG - VTO - nVS )2 WI: ID o< e n.Ur (34)

n
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where P is the product of the mobility u, C,, and the transistor aspect ratio
W/L; Vg and Vs are the gate and source voltages, referred to the substrate in
the bulk transistor case and referred to the back gate in the SOI case; Vg is
the threshold voltage at zero Vs and Uy is the thermal voltage (kT/q).

It results from the previous expression of the WI drain current in
saturation that the inverse subthreshold slope, i.e. S=dV/dlp, is determined
by n. Expressed in mV per decade we have:

S(mV/dec) =n.Uy In(10) (3.5)

One joint effect of the increase in subthreshold slope and saturation
current is that the threshold voltage can be decreased while preserving the
ratio between the transistor on and off currents, as required for correct
operation of digital circuits. Figure 3-3 graphically depicts this idea.
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Figure 3-3. Reduction of threshold voltage from 0.7V in Bulk (dashed line) to 0.5V in FD
SOI (solid line), while yielding the same off current and increased on current, due to the
improved subthreshold slope and current drive capability.

This threshold voltage reduction compatible with digital circuit noise
margins leads to FD SOI technologies featuring 0.3V to 0.5V threshold
voltages instead of the 0.6 to 0.8V wusual in standard Bulk CMOS
technologies. This is a factor that, as we will show in several analog circuit
blocks and the pacemaker application, makes it possible to either largely
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reduce minimum required supply voltage or save current, area and design
effort thanks to the simplification of the circuit structures required to operate
at low supply voltages.

The transconductance to current ratio (g,/Ip), besides representing the
frequency to current efficiency of the device, is intrinsically related to most
analog circuit performance aspects. As shown in [SIL96], and further
developed below, the following aspects can be determined as function of the
g./Ip ratio: gain, gate-source and pinch off voltages (and hence amplifiers'
input common mode range and output swing), equivalent input thermal noise
voltage, offset, current mirror frequency response,....

The maximum value of the g./Ip ratio is reached in the WI region and
from (3.4), is given by 1/(n.Ur). Hence, the decrease in n results in an
increase of g./Ip in FD SOI, which reaches 35 V! in WI with respect to 25
V! for bulk. Figure 3-3 compares the g+/Ip versus Ip/(W/L) curves for
typical 2 um FD SOI and Bulk technologies. This curve is characteristic of a
given process and provides a design tool that relates analog circuit
performance (through g./Ip) with transistors sizes (through (W/L)) as
proposed in [SIL.96].
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Figure 3-4. Calculated (applying the EKV model [VIT93, ENZ95]) and measured g/Ip, vs.
Ip/(W/L) curves for ntMOS and pMOS thin-film SOI fully-depleted transistors and nMOS and
pMOS bulk transistors (Calculated SOI: solid line, measured SOI: circles (nMOS), squares
(pMOS), calculated bulk: dashed line). From [SIL96], © 1996 IEEE.
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The increase in g,/Ip means an increase in the transconductance
generation efficiency of the device, i.e. the ability of translating current
(hence power) into transconductance. The transconductance of the device is
directly related to the frequency limits of circuits. Therefore, the g,/Ip value
gives us an indication of the speed —power trade-off. This trade-off is further
improved in FD SOI due to the reduction of parasitic capacitances. In
addition, as the design cases of the following sections will show, these two
advantages of FD SOI (lower capacitances and higher g,/Ip ratio) interplay
with the selection of the suitable W/L sizes during the design of complete
amplifiers, implying that the overall effect is much higher than just what
could be expected from an analysis of the difference between both
technologies for a given transistor size.

Since we are interested in circuits that operate with ultra low currents, in
the few nA level, a final comment is due regarding leakage current
characteristics of FD SOI. Although at room temperature leakage current
values in FD SOI and Bulk are comparable, FD SOI presents three
significant differences. First, thanks to the reduced film thickness and the
absence of wells, SOI devices present much less leaky junction areas.
Second, thanks to full depletion operation, the FD SOI leakage current
increases much more slowly with temperature. Third, thanks to substrate
isolation, leakage currents in SOI flow only through source and drain,
without a leakage path to the substrate. Combining these three advantages
yields a difference of bulk and FD SOI MOS leakage currents by several
orders of magnitude at very high temperatures {COL91].

2. ANALOG SWITCHES

The analog switch is an essential element in sampled data techniques
such as switched capacitor and switched current circuits. Three main
specifications characterize this component: the on-resistance, which is
related to the switch speed; the off-current, which influences the error
introduced during the off-time; and the charge injection, which determines
the switch precision. This section analyzes how these three aspects vary in
FD SOI with respect to bulk CMOS.

2.1 On-resistance and off-current

In order to handle signals in the whole Vpp range, a switch composed by
an nMOS and a pMOS transistor connected in parallel is usually applied.
The transistor gates are driven by inverted signals as shown in Figure 3-5.
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Vcont: VDD=0n,_l_ = off

- i .
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Figure 3-5. Analog CMOS switch. The switch is on when the control signal Vcont is high
(voltage equal to Vpp), and we apply this voltage on the gate of the nMOS transistor and
ground voltage on the gate of the pMOS transistor.

The nMOS transistor on-resistance is lowest for input voltages values V;
near ground, since then the gate-source voltage of the nMOS transistor is
maximum. At this point the pMOS transistor does not conduct. As V;
increases, the gate-source voltage of the nMOS transistor decreases, while
the source-gate voltage of the pMOS transistor increases. Then the nMOS
resistance increases, as it moves towards cut-off, and at some point, the
pMOS transistor starts to conduct. As we continue to increase V;, we finally
arrive, near Vpp, at a situation that is symmetrical to the initial one: the
pMOS transistor fully conducts and the nMOS transistor is cut-off. For V;
values around half Vpp, both transistors are supposed to be on. However, as
we decrease the supply voltage, we reach a point where the V;regions where
each transistor is on, no longer overlap.

This situation is depicted in Figure 3-6

The minimum supply voltage to guarantee that this conduction gap does
not occur depends on the threshold voltage and the n parameter, due to its
influence on the dependence of the threshold voltage on the source-to-
substrate voltage. This minimum voltage is given by [VIT93]:

ny,

VT0p| +0,Vron 2V
VDD min = =

n,+n,—n;n, 2-n

if |Verop| = Viron»ma =1, (3.6)

The reduced substrate effect of FD SOI, contributes to improve the
Vbbmin in two ways. First, the threshold voltage increases less with V;, which
is reflected in Eq. (3.6) through a lower n value. Second, lower Vry values
can be applied while keeping acceptable levels of off-current. We will
analyze these two effects in the following paragraphs.
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The actual minimum supply voltage needed is higher than the value
provided by Eq. (3.6), since for the circuit to operate correctly, it must be
assured not only that there does not exists a gap, but also that a minimum
conductance value is guaranteed.

n=1.5, VTon=| VTop| =0.7V

0.25
g 020

S VDD=5V

S 0.5

]

5

& 010

g 005 VDD=1.5V
5 0

g 0.00 , Vi/ VDD

Figure 3-6. Bulk CMOS switch on conductance as a function of input voltage and supply
voltage (n=1.5, Vg, = V1,=0.7V). The conductance of the nMOSFET (gn) and pMOSFET
(gp) are shown together with their sum, which is the total switch conductance. A gap in
conduction is shown for V equal to 1.5V.

Figure 3-7 shows the Vpp dependence of the maximum symmetrical
threshold voltage (Vry=Vro= V1o, ) required to feature a maximum value
of on resistance equal to 50kCQ for 0 < V; < Vpp. A 50kQ on resistance is a
typical value corresponding to a maximum settling error of 0.01% for a
500kHz clock frequency and a 2pF capacitance. The switch considered has
(W/L),=1 and (W/L), = 2.5 = (WL,/11,). This selection of relative sizes for the n
and p transistors will be later shown as the one that optimizes the trade-off
between signal dependent charge injection error and on-resistance. The
computation was performed using the EKV [VIT93, ENZ95] model with
n=1.1 in the SOI case and n=1.5 in the bulk case and W,Co=50pA/V 2 and
UpCox=20UA/V 2 in both cases.

We observe that the required bulk threshold voltage should become
extremely low for reduced Vpp in order to maintain sufficient conductance in
the mid V; range. The corresponding bulk off-current then exceeds the
maximum admissible current which limits to 0.01% the relative error due to
the discharge of the capacitance during the holding phase, as shown in
Figure 3-8, which still considers a 500kHz clock frequency with a duty cycle
of 0.5.
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Figure 3-7. Symmetrical threshold voltage for a maximum on-resistance of S0k in SOI
(dashed line) and Bulk (solid line). The aspect ratio of the n and p transistors of the switch are
respectively (W/L),;=1 and (W/L),= 2.5 (approximately equal to the ratio of the electrons

mobility to the holes mobility).
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Figure 3-8. Bulk (solid line) and SOI (dashed line) switch off-currents resulting from the

threshold voltages of Figure 3-
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These results show that FD SOI can assure switch operation compatible
with both typical maximum on-resistance and off-current requirements down
to 1.2V power supply voltages with realistic 0.33V threshold voltage. On the
contrary, in Bulk CMOS, the minimum admissible supply voltage stays
above 1.8V and the threshold voltage should go down to 0.24V.

2.2 Charge Injection and the Speed-Accuracy Trade off

When a switch is turned off, part of the charge that forms the inversion
channel in the MOS transistor is dumped to the switch terminals, generating
an error on the storage capacitor [WEGS87]. Additional charge is delivered
through the coupling of the gate voltage through the overlap capacitance
between the switch terminals and the gate control terminal.

The amount of injected charge increases with the transistor size. If we
increase the transistor aspect ratio to decrease the on-resistance and thus
increase the switch speed, the injected charge increases, increasing the
resulting error. Hence, a speed-accuracy trade-off exists. In this section we
will analyze this trade-off and compare the cases of SOI and Bulk
technologies.

The on-resistance of an MOS transistor operating as a switch, and
considering strong inversion operation, is given by ([VIT93, ENZ95,
TEM96]).

R =/ (EIR] _ 1 R N %
avs Vs=VD H.B(M—VS) B(Ql'/COX) Hqchan
n
(3.7)

where B stands for p.C,..(W/L), Vs and Vs are the gate and source
voltages referred to the substrate, Q; is the inversion layer charge per unit
area and qchan is the total charge in the channel.

The time constant of a sample and hold implemented with this switch and
a storage capacitor Cy is [TEM96]:

g e
= 2 2
Wlopan { o L° (tAV) L (3.8)

RoncL =1

AV = 9chan
2.C,
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where AV is the error due to charge injection, neglecting the overlap
capacitances and assuming the charge is equally distributed to both sides of
the switch (which is the case when the turn off of the switch is fast enough
[WEGS8T7]).

Eq. (3.8) shows that the speed-accuracy trade-off depends, in first
approximation, only on the mobility (a physical constant if we neglect
second order effects) and the minimum channel length of the process. Hence,
there will not exist from this point of view much difference between Bulk
and SOI. However, a different panorama arises if we consider the signal
dependent part of the charge injection error. This is of interest because we
can get rid of the constant component of the error at the system level or by
using circuit techniques such as fully differential structures.

Now we will consider the signal dependent part of the charge injection
error for the complementary switch, shown in Figure 3-5.

The complete expression of the charge injection error (neglecting weak
inversion conduction) for a single transistor switch is given by [WEG87]:

L CL
2C,,

CL

2
AV, = kov g“ (Vg -V )+ kchan[qcﬂ] =
(3.9)

=kov

(Vi —V, )+ kchan[ CoxWL(Vy — Vo —nV; )]

CL

where C,, is the gate - source and gate - drain overlap capacitance, kov
and kchan are the charge distribution coefficients of the overlap and channel
charge to both sides of the switch, Vg and V7, are the on and off values of
the gate voltage, and V; is the voltage that is switched.
When the switch of Figure 3-5 is considered we have the following
properties:
a) The offset (constant) parts of the error due to the n and p transistors have
opposite sign and hence tend to cancel out.
b) The signal dependent parts of the error due to the n and p transistors add.
The resulting maximum signal dependent error is given by:

k

V.
AV, 4 max =—é“fi—‘;i‘(npprpcoxp +1n,W,L,Cyy, ) (3.10)

where V.., is the maximum value of V;, the minimum value of V, is
supposed equal to 0 and the 1/2 factor comes from considering variations
around the mean value (Vimax-Vimin)/2=Vimax/2.
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By analyzing the expression of the on-resistance of the parallel
combination of the nMOS and pMOS transistors (based on Eq.(3.7)) and Eq.
(3.10) for the charge injection error, we have demonstrated that the
combination of p and n sizes that gives the minimum signal dependent error
with minimum value of the maximum Ron of the switch is:

n_.
P _Intn (3.11)

The rigorous proof will not be included here since it is tedious and does
not add much to the understanding of the subject. Instead, we will describe
the essential idea behind this result as follows. Letting aside the factor (n./n,)
that comes from the expression of the error of Eq. (3.10), the above
condition assures that both transistors equally contribute to the maximum
resistance of the switch. If that were not the case, the maximum resistance
would be fixed by the transistor with smallest current capacity (smallest
L.(W/L) factor), while the charge injection error is determined by the
contribution of both transistors and particularly by the contribution of the
one with the biggest (W/L) factor. Therefore, the optimum solution is that
given by Eq. (3.11).

With the p and n transistors sized according to Eq. (3.11) and if nj, = np
and VTop = VTop, the maximum time constant times the signal dependent
error is given by:

2
TmaxAVs.d.max = L k;han ["'1_ + L\ VDD il (3.12)
un - pp Jz(VDD(l _%)_ Vo, J

The above formula was derived considering the maximum value of T
(corresponding to the value of V; that gives maximum on resistance, which,
supposing equal n and Vo values for p and n, corresponds to Vpp/2) and the
maximum value of the signal dependent error, which from Eq. (3.10)
corresponds to the maximum V; amplitude (taken equal to Vpp).

In order to evaluate the gain that SOI technology can provide to the speed
— accuracy trade-off of analog switches, the ratio of the bulk to SOI figures
of merit of Eq. (3.12) was evaluated as function of Vpp, and respective Bulk
and SOI Vr, and n values. The threshold voltage for each technology was
taken so that the off current is equal to the acceptable limit applied in Figure
3-8. The result is shown in Figure 3-9. This is a result for technologies with
hypothetical V1, values. To consider a comparison based on existing
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processes, some typical cases, which also comply with the off current limit
applied in Figure 3-8, are compared in Table 3-1.

These results demonstrate that in SOI technology the supply voltage
range of operation of analog switches is widely extended. In addition, even
at supply voltages that assure correct operation of Bulk switches, the lower n
factor and threshold voltage compatible with acceptable levels of off-current
of FD SOI result in a highly relaxed speed accuracy trade-off, which makes
it possible to operate at higher speed, precision levels or both.
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Figure 3-9. Ratio (Bulk over FD SOI) of speed — accuracy trade-off figures of merit of analog

switches (i.e. time constant multiplied by the signal dependent charge injection error as given

by Eq. (3.12)). The minimum threshold voltages that assures, in each technology, that the off-
current is below the limit applied in Figure 3-8 are considered.

Table 3-1. Comparison of speed — accuracy trade-off in Bulk and SOI for typical supply and
threshold voltage values.

Vpp (V) V1o Bulk (V) V1o SOI (V) (TAV; 4 )max Bulk /
(TAV, 4)max SOI

3 0.7 0.4 26

3 0.6 0.3 9.5

2.5 0.5 0.3 9.0
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3. CURRENT MIRRORS

We will now consider the frequency response and precision of a current
MIITOor.

3.1 Frequency response

First, an expression that relates the current mirror pole frequency with the
selected g,/Ip ratio or transistor inversion level will be developed. This
expression is a useful design tool. In addition, it will also allow us to
compare the performance in Bulk and SOI technologies.

The frequency response of the current mirror is limited by the effect of
the parasitic capacitance C, shown in Figure 3-10, which introduces a pole at
frequency:

l g
f  =—cm (3.13)
pole

2n C,

where g, is the transconductance of transistor T;.

iil i:io

T |_-| T2

Figure 3-10. Current mirror showing parasitic capacitance Cp that determines the current
mirror pole.

Neglecting additional parasitic capacitances due to other circuits
connected to the input of the mirror, C,, is equal to:

CP = CgSl

B Cgb] - Cgsz B Cgb2 - Cani =Cg - Cani (3.14)
i.e. the sum of the total gate to source and substrate capacitances of
transistors 1 and 2 (which we will refer to as C,) and the drain to substrate,
extrinsic capacitance of T;. In the case of SOI the substrate refers to the back
gate which is a fixed voltage with respect to ground.
The drain to substrate capacitance has the usual expression:
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Cap; =C; WX - Cj,,, QW - 2X) (3.15)

jsw

where W is the width of T;, X the extension of the drain contact area of
T, C; is the drain —substrate bottom capacitance per unit area and Cjsy, is the
drain — substrate sidewall capacitance per unit perimeter length.

The gate capacitance C, is proportional to the transistors' gate areas W.L
and is a function of the inversion level of the transistors. Considering the
mirror has a current gain factor b (i.e. that W, = b. W),C, can be expressed
as:

C, =(1- b)f(if).W.L (3.16)

where (i) is a function that describes the dependence of C, with the
inversion level in forward saturation i; for the transistor. The function f(iy) is
available from analytical models of the MOS transistor that provide a
continuous representation in all regions of inversion, such as the EKV model
([VIT93, ENZ95]) and the ACM model ([CUN98]). The inversion level i¢ is
proportional to the normalized current I/(W/L) applied in the g./Ip method
([SIL96]), and is defined as follows for the EKV and the ACM model:

Ip _lacm (3.17)
20uC, W U2 4

oxX T

gy =

Values of iy much greater than one indicate operation in strong inversion;
those much smaller than one are associated to operation in the weak
inversion region and the moderate inversion region falls around i; equal to
one.

Combining equations (3.13) to (3.17), and taking into account that the
transconductance g, is equal to g.,/Ip multiplied by Ip, the current mirror
pole can be expressed as:

_ ot o

WPOle_(l+b)f(i YWL+C.WX+C, 2W+C,, 2X
f J. .. _]W' . _]W

n/ ) 1D
) V) g
= 5 L =g| b,22, technology

(3.18)
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The second approximate equality of Eq. (3.18) was obtained neglecting
the part of the sidewall drain — substrate capacitance that corresponds to the
term Cj,.2X and taking as common factor for the denominator the term
(W/L).

This expression of the current mirror pole is new, as far as we know, and
has some interesting features. It depends only on the g,/Ip ratio chosen for
the transistor (or equivalently the inversion level i), the chosen transistor
length and parameters related to the technology. Therefore it can be applied
to determine the maximum allowable g./Ip ratio (or minimum inversion
level) for a given frequency requirement. We are assuming here that the
length is taken to the minimum to favor frequency response. If this were not
the case, Eq. (3.18) will nevertheless allow us to take into account the effect
of a non-minimum length selection.

Caution must be taken when applying Eq. (3.18). It does not consider the
additional parasitic capacitance that other circuits might add at the mirror
input and it would not be accurate in deep strong inversion where velocity
saturation affects the transconductance value. Nevertheless, it must be noted
that the additional parasitic capacitances that would add to what is
considered in Eq. (3.18) are mainly drain —substrate extrinsic capacitances.
These capacitances are lower in SOI with respect to Bulk in a bigger
proportion than what the total C, capacitance considered in Eq. (3.18) is.
This is so because C, has one term related to the gate oxide thickness, which
would not change from Bulk to SOI Therefore, the error in the Bulk vs. SOI
comparison that results from neglecting these capacitances is attenuated.

Figure 3-11 and Figure 3-12 show the results of applying the expression
of Eq. (3.18) to an nMOS current mirror with unity gain (b=1) for the 3um
FD SOI technology of the Université catholique de Louvain (UCL), Belgium
([FLAO1]) and a comparable Bulk technology. The data of the technologies
are the following: in the UCL SOI technology (resp. Bulk) n=1.1 (1.5), C;, =
0.06 fF/um’ (0.18 fF/um®), C;, = 0.06 fF/um’ (0.4 fF/um’), Cjsn = 0.05
fF/um (0.4 fF/um), Ciwp = 0.05 fF/pm (0.5 fF/um). All other technology
data are supposed to be the same for both technologies: the gate oxide
thickness (t,, = 30nm), the effective mobility (u,=500.10* m%(V.s),
up=190e-4 m2/(V.s)), the drain and source region extensions (X,=X,=8um),
the source - gate and drain - gate overlap (ov, = ovp,= 0.15 um) and the Early
voltages (Vas= Vap,=20 V @ 3 pm length).

These results show that an increase in the pole frequency from about 3
times in WI to about 2 times in SI is achieved in FD SOIL. If we consider a
fixed gu/Ip ratio of 5 (representative of a "high frequency" oriented design in
strong inversion), the resulting pole frequencies are 195 MHz for SOI and 90
MHz for Bulk, an increase by a factor 2.1. This does not even consider the
effect of the threshold voltage and voltage swings differences in Bulk and
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SOL On the one hand the lower threshold voltage of FD SOI technology
makes it possible to operate the mirror in stronger inversion than in Bulk,
while preserving the output swing and input voltage ranges. This would
provide important additional frequency gains. On the other hand, we can
have the same pole frequency in SOI as in Bulk while operating in weaker
inversion. This added to the lower threshold voltage leads to much increased
voltage ranges in SOI, for the same frequency characteristics.
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Figure 3-11. Current mirror pole frequency as a function of the transistors' inversion level if
for 3um Bulk (solid line) and FD SOI (dashed line) technologies.
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Figure 3-12. Current mirror pole frequency as a function of the transistors' g/, ratio for
3um Bulk (solid line) and FD SOI (dashed line) technologies.
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The expression of Eq. (3.18) will be applied as design tool in Chapters 4
and 5.

3.2 Precision

Next we consider the precision of the current mirror. Two effects are
taken into account; the transistor finite output resistance and mismatch. The
first effect introduces an error when the drain source voltages of both
transistors of the mirror are not equal, while the second one introduces an
additional random error on the mirror gain.

We will now present how we will model these effects. In this part of the
study for sake of simplicity, we will limit ourselves to current mirrors with
unity gain (b=1).

The output resistance of the transistor will be modeled through the Early
voltage, which will be considered proportional to the transistor length and
independent of the inversion level. Then the relative current error in the
mirror with a drain source voltage difference of AV, is given by:

Al _AV/Roy _AVI_ AV (3.19)
I I Vil V, '

where R, is the output resistance of each of the current mirror
transistors, which is modeled as the Early voltage V4 over the drain current
L

The mismatch of the transistors will be characterized by the mismatch in
B (equal to pn.Co(W/L)) and threshold voltage. The standard deviation of
these two independent random effects relate to that of the current mismatch
as follows [VIT93]:

c(%]= \/% " (f;’—s (Vg )]2 (3.20)

The standard deviation of B and Vi, will be modeled through the
Pelgrom's model [PEL89] as:

A2

2 VTO 2 2
oV = +S .D
( TO) W1 VTO

) 3.21)
02(13): AB +S2p2
Bz wL P
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where D is the distance between the transistors and Ay, Ayro, Syro and S,
are coefficients that characterize the matching properties of the particular
process. Table 3-2 shows the value of these coefficients for a 2.5(m n-well
Bulk technology as reported in [PEL89]. Since these data correspond to a
process with similar feature size as the ones we are comparing, these values
will be considered in our analysis for both Bulk and SOI technologies.
Previous works support the fact that SOI technology matching is comparable
to that of classical bulk technologies. Values of Ayro= 13mV.um and A, =
5%.um have been reported for a 2 wm SOI industrial process ([POR9S,
EGG98]).

Table 3-2. Matching parameters for 2.51um Bulk technology taken from [PEL89]

Parameter nMOS pMOS
Ayt (mV . um) 30 35
Svro (UV / um) 4 4

Ay (%. um) 23 3.2

S, (10 / um) 2 2

The distance D is very dependent on the layout style and transistor size.
On the other hand, as can be seen from the data in Table 3-2, the second
terms, (which are those related to the distance) in the right side of Egs. (3.21)
are negligible with respect to the first term for usual small sized mirror
transistors. Nevertheless, in the following analysis we considered a first
approximation to take into account the effect of the transistor size on the
distance between the mirror transistors. This approximation is to assume the
transistor layout was such that it gave an approximately square structure for
each transistor, with an area approximated by W.L, and so we estimated D as
the square root of W.L.

Based on these models, the evolution of the current mirror precision was
evaluated in Bulk and SOI as follows. The objective was to evaluate the
trade off between precision and consumption for a given target frequency
that was chosen at 1I0MHz. The drain voltage difference between the mirror
transistors (AV in Eq. (3.19)) was taken equal to 0.5V. Three transistor
lengths were considered (3, 6 and 9 um). For each of these lengths, the g./Ip
ratio that gave the target 10MHz pole frequency, was determined as
discussed in the previous section. Once the g, /Ip ratio is fixed an additional
degree of freedom remains: either the current or the transistor width. We
selected to vary the transistor width between 3um and 30pum and we
calculated the resulting current and total error. The total error was defined as
the sum of the error due to the output resistance given by Eq. (3.19) plus the
standard deviation of the error due to matching, given by Eq. (3.20).

The results are summarized in Table 3-3 and Figure 3-13. Figure 3-13
plots for each of the transistor lengths the current mirror error as a function
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of the current. The component of the error due to the output resistance,
which depends only on the transistor length and decreases with increasing
length, is represented by the three horizontal lines plotted in Figure 3-13.

In Table 3-3 we analyze the current savings that are achieved in SOI for a
given error target for each of the selected transistor lengths.

Table 3-3. g./lIp ratios and drain current required for SOI and Bulk current mirrors with
10MHz pole frequency and the given values of transistor length and total error,. The error
considers the matching error and the error due to the output resistance with a 0.5V voltage
difference between the drains of the current mirror transistors.

L (um) Error (%)  g./Ip Bulk g,/I, SOl  Ip Bulk Ip SOI IpBulk /
a/v) (1/V) (nA) (nA) I,SOI
3 5 19 33 175 50 3.5
6 3 11 20 362 203 1.8
9 2 6 11 860 602 1.4
8r ‘ —
\ L=3um, SOI
7 r \\\\ ]
AN L=3um, Bulk
6 ]
_5} ,
S
54 1
=
(0]
3r i
2r _
L=6um,Roerror "™ L=9um, Bulk
1+ e :
L=9um, Ro error
0 TA T -7 6 5
10 107 p@y 10 10

Figure 3-13. Total error of current mirror as a function of drain current for the transistors
lengths shown, with 10MHz pole frequency, in SOI (dashed lines) and Bulk (solid lines). The
total error considered includes the matching error and the output resistance error for a
difference of 0.5V between the current mirror transistor drains. The horizontal, dash-dot lines
shown are the error due to the output resistance, which depends only on the transistor length
and decreases for increasing length.
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These results can be interpreted as follows. As shown in Figure 3-11, for a
given pole frequency the SOI mirror can operate closer to weak inversion,
i.e. with a smaller inversion coefficient. Hence, for a given transistor size
(and thus a given error) the resulting current decreases.

The application of the Pelgrom's matching model jointly with the g./Ip
methodology, besides making possible a thorough comparison between SOI
and Bulk technologies as previously shown, leads to the following
interesting result concerning the design of current mirrors.

The transistor W.L product, which defines the standard deviation of 3
and Vry according to (3.21), can be written as follows, by simultaneously
dividing and multiplying by L, Ip and g,,, and rearranging the terms.

L2
wo=N 1, Lo 2-_8nl” (3.22)
L ID gm gﬂ ID
I (W
L

Applying this expression in equations (3.21) and neglecting the terms
related to the distance D between the transistors, the standard deviation of
the current mismatch, of Eq. (3.20) is given by:

g, 12 Ip }(w

G(g_)z A (gg TA%“’ [gm\ I

(3.23)

syl s

1,12

The factors (Io/(W/L)) and ( (g./Ip)>. In/(W/L) ) are maximum in strong
inversion and minimum in weak inversion. This is so, because as we move
from weak to strong inversion, the exponential increase of the normalized
current by 3 to 5 orders of magnitude induces a decrease in g./Ip by only one
order of magnitude (see Figure 3-4). Therefore, if the current and transistor
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length are fixed, the minimum current mismatch is achieved in weak
inversion. This happens because, as the operating point is moved towards
weak inversion for a given current, the transistor size increases, leading to a
reduction in the spread of  and Vr,. This improvement in the matching of
bigger transistors dominates over the increase in g,/Ip occurring due to
operation in weaker inversion, which, as predicted by Eq. (3.20), tends to
increase the current error. An analysis, only based on Eq. (3.20), leads to the,
usual, contrary conclusion: that the best current mirror matching is achieved
in strong inversion. This is true when we are considering a given transistor
size, and hence, given matching characteristics, and we analyze the effect of
changing the current. On the contrary, from a design perspective, if the
current is fixed and the size is to be determined, Eq. (3.23) shows the best
results are achieved when the transistors are designed for operation close to
weak inversion. This is, for example, usually the case when the current
mirror that loads a differential pair is to be designed; the current is fixed by
the design of the differential pair and the length of the current mirror
transistors is chosen based on the required bandwidth or gain. The benefit
achieved by moving towards deep weak inversion is limited by the fact that
in Eq. (3.23) we are neglecting the second terms related to the distance
between the matched transistors. These distance related terms tend to
increase the mismatch as the transistors get bigger. However, they only are
meaningful for very big transistors. Considering the data of Table 3-2, and
approximating the distance D by the square root of W.L; a W.L value of
2300 um?® is required so that the greatest of these distance related terms
equals one tenth of the first, area related, terms of Eqs. (3.21). Considering a
3 wm length, this means a W over L ratio of 767.

Additional limits for the operation in weak inversion are the reduction of
the mirror bandwidth (as discussed in the previous section) and the increase
of die area.

An exception to the previous analysis occurs when the operation point is
moved towards strong inversion by increasing the transistor length. In this
case, similar matching as in weak inversion can be achieved for a given
current and pole frequency. The price, which in the weak inversion region is
paid in the area occupied, here is paid in a decrease in the signal ranges due
to increased gate-source and saturation voltages.
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4. OPERATIONAL TRANSCONDUCTANCE
AMPLIFIERS

We will now consider the impact of FD SOI technology on the

performance of OTAs, particularly those intended for low supply voltage
and micropower consumption.

VDD
jl : élo B |

S D
110/2 BIOIZl |C—L|||'
I~

e

b ®VSS

Figure 3-14. Cascoded symmetrical SOI OTA considered for comparison of Bulk and SOI
technologies.

This study of the performance of OTAs in FD SOI technology has been
pioneered by the UCL SOI group ([FLA94, FLA96]). In this section we will
describe our experience [SIL96, section 4 in ref. FLA99] with the cascoded
symmetrical OTA of Figure 3-14.

4.1 DC Gain and Transition Frequency

The main results come from the relationship of the g,/Ip ratio with many
central performance parameters of OTAs (gain, transition frequency, output
swing, noise ....). This can be appreciated from the following expressions of
the gain and transition frequency of a simple common source amplifier
loaded by a capacitor Cy, and biased with a current source Ip:

gm l gn
A, =—Lmy fo=—_Sm 3.4
o7y, A T onC, (3-24)

where g, is the small signal transconductance and V4 is the Early voltage
that fixes the small signal drain conductance g4 = Ip/V,. Hence, the g./Ip
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ratio determines the gain and the relation between transition frequency
(which is proportional to g,) and consumption (given by Ip). In addition to
the gain improvement derived from the increased g,/Ip ratio of FD SOI
technology (shown in Figure 3-4), the smaller parasitic capacitances of SOI,
make it possible to achieve a given phase margin with bigger transistors
(higher W/L). This increase in (W/L) translates in an additional increment of
g./Ip for a given current or fr.

Eq. (3.24) was derived for the case of a single transistor, common source
amplifier, but similar relationships apply to all OTA configurations.

In the design of the OTA of Figure 3-14 [SIL96] the highest possible
g+/Ip values were used for the active transistors, i.e. input differential pair
(g/Ip = 28) and output cascode devices (g./Ip =30), in order to optimize the
performance for minimal supply current consumption for a given transition
frequency and phase margin. The upper values are limited by stability
considerations because as we increase g./Ip for a fixed current, the transistor
sizes and capacitances are increased and the phase margin hence decreased.
The bias current and mirror transistors are operated in stronger inversion
(gw/Ip =8).

This OTA experimentally achieved a 103 dB DC open-loop gain and a
271 kHz transition frequency over a 12.3pF load capacitance with a 60°
phase margin and a total current of 2uA under a 3V power supply, in
accordance with the targeted and simulated specifications. The output swing
was almost equal to 2V. We estimated that to achieve a similar fr
performance with same C; and phase margin, the bulk implementation could
have only used g,/Ip ratios of 19 and 17 for the input differential pair and
output cascode transistors respectively and would have dissipated 45% more
supply current for a DC open loop gain reduced by 8dB.

In addition, we took advantage of the easy exploration of the design
space provided by the g,/Ip method, in order to analyze the evolution of the
bulk and SOI implementations of the OTA as a function of the specified
transition frequency for the same phase margin of 60°. As higher transition
frequencies were sought, all the transistors were taken of minimum length (3
pm) in both SOI and bulk implementations, and the g, /I, of the current
mirrors was taken equal to 6. The same technology parameters as the one
described above for the comparison of current mirrors were applied. Figure
3-15 shows the current consumption ratio and DC open loop gain difference
between the bulk and SOI implementations of the OTA. The FD SOI
technology benefits over bulk increase up to a reduction of the supply
current by a factor larger than 3.5 and an improvement of the gain by more
than 20dB for fr equal to 10 MHz. As the target transition frequency is
increased, the active device g./Ip values have to be reduced towards strong
inversion, reaching 13 and 3.5 in SOI and bulk respectively at 10MHz.
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Figure 3-15. Comparison of simulated total current consumption and DC open loop gain of
the bulk and SOI cascoded OTAs of Figure 3-14 (with B mirror ratio equal to 2) as a function
of the transition frequency. The computations were based on the EKV model. From [SIL96],
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Figure 3-16. Input pair g,,/Ip and current consumption vs. transition frequency for SOI
(dashed line) and Bulk (solid line) CMOS OTA. From [SIL96], © 1996 IEEE.
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Figure 3-16 shows the g./Ip ratio of the input differential pair and total

consumption for both technologies. Similar results have also been partly
demonstrated for Miller OTAs in [FLA96].

4.2 Noise and Supply voltage

The power spectral density of the input referred thermal noise of a
differential pair is given by:

v.nkT
Em

Sy =2. (3.25)

where 7 is a factor ranging from 2 in weak inversion to 8/3 in strong
inversion [ENZ95]. It is clear that for a constant fr.C. — and hence g, —
specification, Sy will be lower in SOI than in bulk due to the reduction of the
n body factor and the possible use of devices in weaker inversion that has
been previously discussed. The input-referred power spectral density added
by a current mirror is:

2
SV,mirror — 2.[gm,mirr0r J ) Y~n-kT =2 Y.Il.sz gm,mirror -ID (3.26)
gm & m, mirror m ID

The equation shows that for constant fr and g, we can either use the
same (gu/Ip)miror in bulk and SOI and obtain lesser added noise in SOI due to
the reduction of n and Ip, or achieve similar noise performance in bulk and
SOI using higher (gq/Ip)mimor in SOI which will improve the input range and
output swing.

The results of the analysis of the previous section as a function of fr were
applied to compute the total input-referred thermal noise power spectral
density in bulk and SOI for the amplifier of Figure 3-14 [FLA99]. The bulk
to SOI input referred spectral density of thermal noise ratio ranges from 1.54
for 100kHz to 3.11 for 10MHz. To achieve the same thermal noise
performance, lower g,/Ip, values could be used in bulk for the current mirrors
according to equation (3.26). However, this strategy has the consequence
that the higher the fr, the higher the SOI to bulk bias current ratio, the lower
the bulk mirror g,/Ip for the same noise and the larger the output swing
reduction in bulk when compared to SOL In our case, this output swing
reduction can be up to several volts, even for low fr, resulting in unpractical
designs.
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Similar improvements to those computed in the case of the thermal noise
are achieved for the 1/f noise characteristics.

The power spectral density of 1/f noise referred to the gate for a single
transistor can be modeled as:

K
Sy, =——F 3.27
VK T C, WLE (3.27)

where Kg is a constant that depends on the process and type of transistor
(nMOS or pMOS), C, is the gate oxide capacitance per unit area, W and L
the transistor width and length and f the frequency. Measurements results
presented in [EGG98] for 1/f noise characteristics of transistors fabricated in
the UCL Fully Depleted SOI technology show Kg values very close to those
reported for similar Bulk technologies.

Applying for the WL product the expression of Eq. (3.22), we have:

I
Sv,l/f=———KF [g—m) p_ 1 (3.28)
Zm

Then the 1/f noise power spectral density referred to the input for a
differential pair and a current mirror that loads this differential pair (i.e. the
equivalent of Egs. (3.25) and (3.26)in the case of 1/f noise) are given by:

K g I
S e =2 F | om )} D 3.29
V£ diff.p. c .Lz.gm.f[ID ) (W) (3.29)
L
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S ’ ) KF,mirror gm,mirror (gm ID _
V., 1/f ,mirror — T -
Cox 'Lzmirror -Em 1 &m ID (E )
L 'mirror

-9 KF,mirror (gm /ID )mirror _g_ﬂ ID
Cox 'L%nirror'gm'f (gm/ID) ID (E)
L 'mirror

(3.30)

In Eq. (3.30) the subscript o is used to denote parameters associated to
the mirror transistors, while those without subscript correspond to the
transistors of the differential pair. The fact that the current through the
current mirror and the differential pair transistor are equal was applied to
obtain the last expression of Eq. (3.30).

We will now consider the evolution of the input referred 1/f noise
spectral density in Bulk and SOI technologies, for a constant transition
frequency. As the transition frequency is kept constant, the
transconductance of the differential pair, g, Wwill be kept constant. The
operation in weaker inversion of the SOI amplifier with respect to the Bulk
amplifier, leads in SOI to a higher (g,/Ip) ratio of the differential pair and
lower value of the product ( (g./Ip). In/(W/L) ) (as discussed when we
analyzed the current mirror precision, this product decreases in weak
inversion because the decrease of Ip/(W/L) in weak inversion is stronger
than the increase of (g,/Ip) ). Therefore the 1/f noise contributions of both
the differential pair and current mirror will be lower in SOI than in Bulk for
equal Ky parameters.

The total input-referred 1/f noise power spectral density in bulk and SOI
was computed for the amplifier of Figure 3-14 in bulk and SOI based on the
analysis of the previous section as a function of fr. In the comparison of the
previous section, we considered equal g,/Ip ratios for the current mirrors in
the bulk and SOI designs, therefore, the decrease in SOI of the noise
contributions of the current mirrors, given by Eq. (3.30), is only due to the
higher g./Ip ratio of the differential pair, which appears in the denominator.
The product ( (g«/Ip). In/(W/L) ) of the mirror, at equal values of the g./Ip
ratio, is higher in SOI. Nevertheless, the ratio of bulk to SOI total 1/f noise
power spectral density ranges, as a function of the OTA specified fr, from 1
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at 100kHz to 2.4 at 10MHz. By exploiting the possibility of having in SOI
equal current mirror pole frequency while operating the transistor in weaker
inversion, the 1/f noise of the SOI design can be further decreased..

4.3 Offset voltage

The Pelgrom's matching model (Egs.(3.21)) was applied to compute the
offset voltage for the bulk and SOI amplifiers designed in Section 4.1 as a
function of the transition frequency. The offset voltage was calculated as
follows. Supposing the mismatches of the differential pair and each of the
current mirrors of the amplifier of Figure 3-14 are statistically independent,
the standard deviation of the offset voltage is given by:

_ |2 Iy 6(13)2 Al Ip ’
O(Vofeer ) = \/6 (Vo )+ ([g}_l.’)_} + (6(-1— jmimrs (-g: D (3.31)

The first two terms are due to the mismatch of the transistors of the
differential pair and the last term is due to the mismatch of the current
mirrors. The same notation as above is applied: the terms associated with
characteristics of the transistors of the current mirrors are explicitly denoted
with a subscript, while those without a subscript correspond to the
differential pair transistors. (Al/Dmiors 1S the total relative unbalance
between the currents of transistors T3 and T, required to compensate the
mismatches of mirrors T; -Ts, T4 — T¢ and T; — Ts. Based again on the
statistically independence of these mismatches, the standard deviation of
(Al/Dmirrors can be expressed as a function of these mismatches as:

02(91) =(52(§—Il +02(£) +02(§—Il (3.32)
I mirrors I -5 I 4- 6 I -8

The first term, which represents the mismatch of current mirror T; — Ts,
can be directly calculated with Eq. (3.20). In the case of the other two
mirrors, they have a current gain B. Considering that the output transistors of
these mirrors (Ts and Tg ) are built with B unitary transistors (which is
usually the case to improve matching) and that the matching characteristics
of these B transistors are statistically independent, we have that:
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(Lot = 8wt o

where o(Al/l); and ©(Al/I); are determined applying Eq. (3.20) to
transistors T4 and T, respectively. This last equation is similar to the well
known result, based on properties of the gaussian distribution, that states that
the combination of m equal, unitary elements, improves the matching by a
square root of m factor.

Consequently, the standard deviation of (Al/T)yiror 1S given by:

cz(gJ =02(§) +l02(£) +l62(é1—l (3.34)
I ‘mirrors I 3 B I 4 B [

The offset voltage is calculated combining Egs. (3.31) and (3.34) with the

expression of 6(AI/T) of Eq. (3.20), Pelgrom's matching model of Eq. (3.21)
and the data of Table 3-2.

The results are compared in Figure 3-17.

Offset Voltage (mv)
(8]
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Figure 3-17. Offset voltage vs. transition frequency for SOI (dashed line) and Bulk (solid
line) CMOS OTAs.

The offset voltage of these amplifiers is mainly dominated by the effect
of the current mirrors mismatch. Since the g./Ip ratio of the current mirrors
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is fixed, as the transition frequency is increased, the current increases and,
thus, the transistor W/L aspect ratio increases in order to keep the g./Ip ratio
constant. This bigger transistors have smaller B and V1, spread, making the
offset voltage to decrease as we increase the transition frequency. The
increase in offset voltage visible at the higher transition frequency range for
the bulk amplifiers is explained because at these frequencies the size of the
differential pair transistors drastically decreases in order to reach the low
g./Ip ratios required, thus increasing the differential pair contribution to the
offset voltage. This effect occurs in SOI at higher frequencies.

S. CONCLUSIONS

This chapter has summarized the characteristics of FD SOI technology
relevant for micropower low voltage analog circuits, such as those described
in Chapters 1 and 2 for biomedical applications. The analysis of the
performance of analog switches showed that in SOI technology an
acceptable performance from the point of view of the on-resistance and off
current is achievable down to below 1V power supply, while in bulk
technologies the minimum supply voltage is around 1.8V. Even for supply
voltages that still allow correct operation in bulk, we showed that the speed —
accuracy trade off that results from considering the signal dependent charge
injection ratio improves in SOI by factors that range from 3 to above 20. A
significant increase of the current mirror cut-off frequency and precision is
also observed. For OTAs, the characteristics of SOI technology make it
possible to achieve current savings that range from 33% up to 70%, with an
improvement of the DC gain that goes from 8 to more than 20dB. In bulk
designs, the transistors had to be operated closer to strong inversion to
achieve the same frequency performance, resulting in a reduction of the
input common mode range and output swing, and an increase of the thermal
and 1/f noise with regards to FD SOI.

The above analyses were based on the derivation of original
mathematical expressions for the estimation of the speed — accuracy trade-
off of analog switches as well as the pole frequency and error of current
Mirrors.

Further comparisons of the performance gains achievable in SOI are
shown in Chapters 5 and 6 for experimental prototypes of class AB
amplifiers. In Chapter 5 is also discussed, based on the actual layouts of the
experimental prototypes, how SOI compares to bulk in terms of die area.

Our work seeks to exploit the superior characteristics of FD SOI
technology together with a "power oriented" synthesis methodology and
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improved circuit architecture. This chapter presented the basis of what is
expected at the technological level. Chapter 4 will discuss methodological
aspects for power optimization in amplifier design. Chapter 5 will present
the novel design approaches applied at the circuit architecture level and
finally in Chapter 6 these techniques will join in an experimental
demonstration of an ultra low power SOI circuit for a pacemaker sense
channel.



Chapter 4

Power Optimization in Operational Amplifier Design

The part of the consumption of a pacemaker that is related to the energy
delivered to the heart is below one half of the total consumption. This
fraction can be even much smaller depending on the stimulation
requirements of the patient. A significant share of the remaining part of the
consumption is devoted to the analog circuits that are active most of the
time, such as the sense channel or the rate adaptation sensor. The
minimization of the consumed power in these circuits is very important in
this framework, where savings of even fractions of a (LA are significant. This
chapter discusses techniques for power optimization in the design of
operational amplifiers.

Analog design is characterized by the need to pay attention to multiple
performance aspects: bandwidth, gain, noise, slew-rate, input and output
voltage ranges, offset .... During the synthesis procedure there are several
interactions between these performance aspects, which end up determining
the power consumption. This chapter will firstly try to clarify which can be
considered the actual root, "independent", main factors that determine power
consumption, and which are derived variables. Although the frontiers are not
clearly cut and the existence of dependencies among most variables is
unavoidable, we think the analysis will help in making clear the general
framework for the design procedure. In addition, it will provide comparison
criteria for actual implementations.

This analysis will proceed from the general, fundamental aspects to the
particular, practical ones. We will start by summarizing current results on
the theoretical limits on power consumption of analog circuits. Next, the
practical limits will be mentioned and a general scheme will be presented.
Finally, we will develop a novel design procedure for the power optimized
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design of operational amplifiers for a constant total settling time
specification.

1. REVIEW OF THEORETICAL AND PRACTICAL
LIMITS ON THE POWER CONSUMPTION OF
ANALOG CIRCUITS

1.1 Theoretical limits

The study of the theoretical limits of power consumption of analog
circuits has received attention in the last decade, particularly with the
contributions and systematization of previous results done by Eric Vittoz
[VIT90, VIT95, VITO02]. However, as pointed out by Vittoz in [VIT02],
some of the central results had already been proposed nearly 15 years ago [in
general in reference HOS85 and for the particular case of switched capacitor
filters in reference CAS851].

We will now present what is considered to be the absolute lower
boundary for power consumption of analog circuits. This limit is set by the
need for achieving a given signal to noise ratio S/N above the lower possible
limit of noise associated to thermal noise. The absolute lower boundary for
power consumption is achieved in the case of a unity gain low pass filter. In
[VIT9S, VITO02] this case is first considered and then the case of an amplifier
is analyzed. Our derivation will consider the more general situation of a
system with gain and the result of unity gain will arise as a particular case.

One important comment on the demonstration of these limits is due here.
As stated in [VITO02], there is no rigorous proof that the power calculated
through these limits is indeed the minimum possible. Rather, the results are
supported on intuition and experience. Nevertheless, the fact that references
[VIT95, VITO2 and CAS851] come to the same expressions for circuits
based on different principles, (such as continuous time circuits, switched
capacitor circuits, and relaxation oscillators), suggests that indeed a more
fundamental, physical proof should exist. This is in fact an interesting, open
research subject.

The minimum power is derived for the case of an analog module with a
load capacitance C, as shown in Figure 4-1 a). This module is considered
100 % efficient, i.e. that all the power coming from the power supply goes to
the load capacitance and there is no current consumed internally to the
module. We will represent the module through its Norton equivalent model
with a transconductance g, and an output conductance g, as shown in
Figure 4-1 b). In addition, in Figure 4-1 b) the current source Iy that models
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the output thermal noise of the module is introduced. This noise current
source is characterized by its power spectral density S; given by:

S, = 4kTye,. .1)

where k is the Boltzmann constant, T the absolute temperature, g, the block
transconductance and Y models the noise added by the active circuit
implementing the transconductor. y ranges from 0.5 for a non-degenerated
bipolar transistor and n/2 for a weakly inverted MOS transistor, where n is
the body-effect coefficient or slope factor defined in Chapter 3. In both these
cases the resulting transconductance amplifier is strongly nonlinear. When
an MOS transistor in strong inversion is considered, y raises to (2/3)n. y also
increases in deep-submicron MOSFETs. A minimum value of y = 1 is
considered in [VIT95, VITO02].

a) b)

|+P .

Figure 4-1. Ideal module and model considered for the derivation of the minimum power
required for analog signal processing. a) represents the module and related magnitudes: power
taken from the power supply P, supply voltage Vg, input and output voltages v; and v, load
current i(t) and load capacitance C. b) shows the Norton equivalent model of module a),
including the thermal noise current source Iy. c) depicts the particular case when the module
a) is implemented with an OTA characterized by its open loop Norton model (with parameters
gm and g,) and an ideal feedback block with factor B. In d), the resulting closed loop Norton
model of the implementation of b) is shown. It results in an output conductance given by

(gat+PB.gm)-
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The consumed power P is derived as follows. If V,, is the peak-to-peak
amplitude of the output voltage v, across C, the average value of the current
through C is equal to the signal frequency f multiplied by the charge
delivered to C in each cycle: f.C.V,,. Then, the average power P delivered
from a supply voltage Vy is:

VB 2
P=VpfVp,C=EfVC 42)
pp

where in the second expression, Vppz, which is related to the signal
power, is explicitly shown.

The integrated noise power N at the output node v, can be calculated in
the equivalent circuit of Figure 4-1 b) as follows:

N= [ S JHE)Pdf 4.3)
0

where H(f) represents the transfer function from the noise current source
I to the output voltage v, which is given by:

/Lo s=onf (4.4)

Either solving the integral of (4.3) or applying that the first order low-
pass function of Eq. (4.4) can be substituted in the integral of Eq. (4.3) by an
ideal low pass filter with a cut off frequency equal to the —3dB frequency of
H(f) multiplied by (n/2) ([CAR75]), N results to be:

1 1 kTg, KT kT
N=4kTyg, —. —20 " =y—5m —y 2 A = S A 45
Y8m 2 9m C 2 ch YC VEC % (4.5)

gO 0

where Ay = g,/g, is the low frequency gain of the module.
Applying this expression of the noise power, the signal to noise ratio is
given by:



4. Power Optimization in Operational Amplifier Design 89

2

S V"%

S_ 46
N kTA (4.6)
a8y

C

Substituting the term C.V,,” derived from Eq. (4.6) into the expression of
the consumed power of Eq. (4.2) we have:

p=_YB { gkTA, 78 @.7)
VPP

The factor Vg.Ay/V,, is always greater or equal than 1. This is so because
if Ay is greater or equal than one, then the supply voltage Vy must be greater
than (or, in an ideal limit case, equal to) the output peak to peak voltage V.
If Ay is less than one, the minimum supply voltage is determined by the
input peak to peak voltage, then:

Vv %
Vg 2V, :X%=>—BAV >] (4.8)
pp

Then the absolute minimum is reached when Ay=1 and Vg = V,, or Ay <
1 and Vg = Vj, = V /Ay, in these cases:

Ppin =8kTf %I, Ay:1 4.9)
If the circuit provides a gain Ay greater than 1, then:
Poin =8KTf (. Ay, Ay >1 (4.10)

In these equations, f represents the circuit bandwidth, considering the S/N
value is required up to the maximum bandwidth frequency.

The same result is obtained if we consider that the block of Figure 4-1 a)
is implemented as a closed loop amplifier as shown in Figure 4-1 c). In this
case, as shown in Figure 4-1 d), the resulting output conductance g, is given
by:

2 An exception are the circuits in fully diferential or "bridge" configuration. In these cases
the minimum supply voltage is equal to half the peak to peak output voltage. In this case
the right half of Eq. (4.7) is divided by 2 and the minimum power given by Eq. (4.10) is
divided by 4.
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P

g, =84 +B8Em —>AV——— 4.11)

o

Therefore the same expressions results substituting Ay by the closed loop
gain of the amplifier of Figure 4-1 c).

Some interesting consequences are derived from Egs. (4.7) to (4.9).

— Eq. (4.7) shows the importance of approaching rail to rail operation in
order to minimize the factor Vg/Vy,.

— The minimum value of Eq. (4.9) shows the theoretical minimum power
consumption has strong dependence with S/N, gain and bandwidth
(through the f factor).

In reference [VIT02], it is shown that the minimum given by Eq. (4.8)
holds for relaxation oscillators and that the implementation of high quality
factor (Q) poles through active resonators (without inductors) leads to an
increase of the minimum power required by a factor 4.Q”.

1.2 Practical limits

Several elements add to the baseline set by the thermal noise in order to
determine the total power consumption in practical circuits. A summary of
these elements, whose effects are discussed in detail in [VIT02], follows.

— Parasitic capacitors. They demand increased g, and hence current, to
reach the required speed. In op amps, parasitic capacitors introduce a
phase shift leading to the use of a compensating capacitor that increases
the current required to reach a given gain-bandwidth product.

— Additional sources of noise. Any unwanted signal falling inside the
circuit bandwidth is included in this group. Examples of these noise
sources are: flicker noise (1/f), interfering signals which require higher
CMRR (common mode signals) or higher PSRR (interference through
the power supply lines) or higher linearity (interference due to
intermodulation products of out of band signals) and charge injection of
switches. These noise sources increase the power in two ways. Either an
increase of the signal power is required to maintain the signal-to-noise
ratio or changes in the circuit structures are required to decrease the
effect of these noise sources. Examples of these circuit changes are the
use of bigger devices, which introduce bigger parasitic capacitances, to
reduce 1/f noise; the application of more complex and power hungry
circuits that improve CMRR or PSRR, or the increase in the linear range
of transconductors, which is associated with a decrease in the g./Ip ratio.
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— Mismatch of components. Matching of components is a fundamental
analog design tool that is required to be independent of parasitic effects
and process variations. In order to improve matching, bigger components
are required, which results in increased parasitic capacitances and power.

— Non optimum supply voltage. As discussed above the most efficient
situation takes place when the supply voltage is just the minimum
required to accommodate the circuit voltage swings. Reductions of the
voltage swing, such as those due to the transistors' saturation and gate-
source or base-emitter voltages, result in an increase of power.

— Non linear circuit behavior. The theoretical analysis of the previous
section assumed a system that is perfectly linear. However, practical
circuit structures and actual device characteristics are inherently non
linear. Consequently, non linear effects are always present to some
extent. Examples of these effects are harmonic distortion due to the non
linear characteristics of devices and slew rate limitation in differential
pairs and class A output stages. These effects must be limited and to do
so means increased power. This increase in power may come, for
example, from the utilization of reduced ratios of voltage or current
signal amplitude to bias levels in order to limit harmonic distortion or
from an increase in bias current to rise the slew rate limits.

In the next section we will consider how these general considerations
apply in a particular circuit (Miller OTA) and show a way to optimize the
speed — power trade-off in this case.

1.3 Figures of Merit for the Power Efficiency of Analog
Circuits.

The theoretical limit discussed above gives way to a first figure of merit
for analog circuits, from the point of view of the power efficiency. It stems
from Eq. (4.9), and is given by: ([VIT02])

P

Ke—— 4.12
K T.Af.5 12

According to the previous results, K has a minimum value of 8.

Alternatively, simplified versions of this figure of merit have been
applied to operational amplifiers and filters in order to represent the
frequency—power tradeoff. In reference [ESC95] the gain-bandwidth divided
by the consumed power is applied (GHzZ/W) and in [NG99], the load
capacitance is taken into account in the trade-off and the ratio of power to
gain-bandwidth multiplied by the load capacitance (mW/MHz.pF) is applied.
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Reference [KRIO1] compares filters based on the power divided by
bandwidth and order of the filter, and this figure of merit is plotted against
the input range of each filter, resulting in a similar comparison to that of Eq.
(4.12).

As shown in Eq. (4.10), when an amplifier is considered, its gain must
also be taken into account in the comparison.

2. OPERATIONAL AMPLIFIER POWER
OPTIMIZATION FOR A GIVEN TOTAL
(SLEWING PLUS LINEAR) SETTLING TIME

The analyses presented in the previous section identify noise, speed
(signal frequency) and voltage gain as the ultimate factors setting the
minimum power consumption of amplifiers.

Table 4-1 shows, for the case of an operational amplifier, a hierarchical
representation intended to serve as a general guideline on how these factors
relate to the amplifier specifications and to lower level design aspects.

Table 4-1. Hierarchical representation of the main factors that determine power consumption
in operational amplifiers.

High Level Medium Level Low Level Data
Performance Data Performance Data
Linear Settling Time Transconductances,
Speed or Dynamic (transition frequency, Currents, (W/L),
Precision (Total Settling | phase margin) Compensation Capacitance
Time, Frequency) Slew Rate Currents, Compensation or
Load Capacitance
Voltage Swings, Supply Currents, (W/L)
Voltage
Signal to Noise Ratio, Noise | Thermal Noise Transconductances,
Compensation Capacitance
1/f Noise Transconductances, W, L
DC Gain Transconductances,
Static Precision Currents, L
Offset Voltage Transconductances, Currents

From left to right, the minimum power consumption required is
conditioned by what is demanded at the amplifier overall performance level,
which we have referred to as "high level performance data". This high level
data is represented by the ability of the amplifier to follow fast input signals
(i.e. speed, dynamic precision, which in the case of the following study is
represented by the total settling time), by the total noise and by the static
precision, i.e. the output error with DC inputs. The high level data, which is
the significant one at the system level, is determined by "medium level"
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performance of the amplifier, where more than one mechanism combine to
determine each high-level performance data. Finally, each "medium level"
characteristic of the amplifier can be correlated to the "low level” design
details: the transistors’ transconductance and current (which determine the
(W/L) aspect ratio as shown in [SIL96]), as well as the compensation
capacitance and transistors’ length.

In the conventional, current, design practice, the step that goes from the
high-level performance data to the medium level performance data that
guides amplifier design, has been based on rather fuzzy rules. This is
particularly noticeable in the case of the total settling time. In addition,
power consumption usually has been a secondary output of the design
procedure. In this section, we propose a new approach to transit
systematically from the high level total settling time specification to a low-
level design that complies with this specification with optimum power
consumption. This approach is based on the g,/Ip methodology [SIL.96] that
allows a systematic exploration of the design space to implement the step
that goes from the medium level op amp specifications to the low level
design data.

We will particularly focus on the first row of Table 4-1, which addresses
the settling behavior of amplifiers. The other specifications will be checked a
posteriori for the power-optimized design and the initial selection of
parameters (transistor lengths, compensation capacitor) for the design would
be changed if these other specifications were not met.

The settling behavior is an essential specification in most op amp
applications, particularly A/D and D/A converters and sampled data filters. It
is a direct measure of the ability of the amplifier to respond to large input
signals [CHUS82]. The total settling time is defined as the time the response
to an input step will take to settle to a given relative error (e.g. 1 %) of its
final value.

Two distinct periods determine the settling time: the slewing period and
the linear settling period.

During the slewing period, the variation rate of the output is limited to a
maximum value (slew rate). This originates from the charging of a
capacitive node with a limited, constant current. This node can be either an
internal node (e.g. the first stage output node in a Miller amplifier) or,
particularly in the case of class A operational transconductance amplifiers
(OTA:s), the output node. We will refer to the first case as internal slew rate
and to the second one as external slew rate.

The second part of the settling time is the linear settling period, for which
the amplifier behaves linearly, according to its small signal frequency
response. The linear settling time is related to the amplifier transition
frequency and phase margin.
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Researchers have devoted attention for a long time to the issue of settling
time modeling in operational amplifiers [KAM74, CHUS82, TUR83, LINS6,
WANDOS]. In [KAM74] the influence of pole-zero doublets was first pointed-
out and some initial modeling of slew rate and settling time was presented.
Reference [CHU82] introduces a model considering the slew rate effect and
a second order small signal frequency response for the amplifier. In
[TURS83] and [LIN86], the model in [CHU82] is completed by considering
the initial condition on the derivative of voltage with respect to time, for the
analysis of the linear part of settling. This derivative is supposed to be zero
in [CHUBS82]. Finally, in [WAN9S5] the classical approximation for slew rate
is improved through a large signal analysis of the output stage during the
input stage slewing period. However, this analysis considers the particular
case of a square-law, strong inversion, equation for the active transistor of
the output stage.

Contrasting with this analysis effort, almost no antecedent is found that
systematically addresses the issue from a synthesis perspective. For
synthesis purposes, in many applications, the significant parameter is the
total settling time. A given total settling time can be achieved with different
distributions between the linear settling and the slewing part. Which is the
best alternative to this distribution is still unresolved. For example, in the
switched capacitor domain, usually the slewing period is assigned an
arbitrary part of the available time for settling (10% is taken as an example
in p. 497 of [GRE86] and in [TAY94] a 25% allotment to slew rate is
suggested).

As we show in this work, the selected partition strongly influences power
consumption ([SIL022]). Therefore, we have tried to answer the following
question:

Which is the best combination, in terms of consumption, between slew
rate and gain bandwidth product for a given total settling time in the
response to a step of given amplitude?

Regarding the design and applying the g,/Ip methodology [SIL96], we
discuss the following question:

How does the answer to the above question impact on the design
decisions in the synthesis of an operational amplifier? Particularly, how
does it affect the selection of the g,/Ip ratios or inversion levels for the active
transistors of the amplifier?

The section is organized as follows. First, we present the model of
settling behavior applied for our synthesis. The model is checked against
experimental measurements. The design equations and synthesis procedure
are then introduced. Subsection 2.3 presents the results of applying a
complete design space exploration in a non-simplified case. Simulation
results that validate the proposed methodology are also included in this
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subsection. Finally the resulting optimum designs are compared in Bulk and
SOI technologies.

2.1 Design Oriented Model of Settling Behavior

Our objective is to have an expression of the total settling time suitable to
be applied in an analytical synthesis procedure and in qualitative hand
analysis. This goal discourages the application of the more exact, but very
complex, expressions that result when a second order model is considered
for the amplifier as in [CHU82, TURS83, LIN86, WAN95].

We will apply a first order model of the amplifier in order to determine
the basic expression of total settling time. The fact that the actual system has
higher order terms alters both the linear settling and the slewing periods. The
change in the linear settling time due to effect of the higher order terms, as
shown in ([LAK94],p. 626), is not important when the phase margin is
between 60 and 70 degrees. In addition, we will consider it by adjusting the
number of time constants required for settling with a given precision. In
order to include the effect of a second order system on the slewing period
with more precision, the analysis must take into account that slew rate is not
a small signal phenomenon and thus, perform a non linear analysis of the
second stage (when the slew rate originates in the first stage), as discussed in
[WANO9S5]. This increases even more the model complexity. This added
complexity, besides jeopardizing our goal of having a tractable expression
for design, might not reach its aim of increased precision if other effects that
affect the actual value of slew rate (which are not considered in [WAN95])
are not taken into account. One of these effects is the influence on the input
stage slew rate of the parasitic capacitance that is in parallel with the
differential pair tail current source. An additional drawback is that the more
detailed the model, the more it becomes linked to particularities of a given
amplifier architecture. The model we will apply has a reasonable accuracy,
which allows us to take design decisions, while it is independent from the
amplifier architecture and considers the effect of both the internal and
external slew rates. This last feature is a further advantage over previous
complex models [CHU82, TURS3, LIN86, WAN9S5] that only take the
internal slew rate into account.

Our model, shown in Figure 4-2, considers the amplifier in a closed loop
with a real feedback factor f3.
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Figure 4-2. Model for total settling time analysis. The amplifier is modeled with an open loop
DC gain Ay, transition frequency wy/(2.1) and a real feedback factor B. The plot of the output
voltage vs. time shows the slewing period (ty..,), the linear settling (t;;), the total settling time

(t,) and the output voltage where the transition from the slew rate limited operation to linear
operation occurs (V). From [SIL022], © 2002 IEEE.

When the amplifier operates linearly, supposing the open loop A, is
much larger than (1/B), the closed loop low frequency gain is 1/B and the
time constant T is given by:

T= L (4.13)
Bwr
with wr the transition angular frequency.

The step response of this first order system from an initial value of Vi to
a final value V;is given by:

t

V, =(V; = Vi )-—e D)+ Vi, (4.14)
Its slope is maximum at t=0, and is given by:

dVe|  _ (Ve = Vi) (4.15)
dt | T |

max

The transition between the slew rate limited region and linear operation
happens when the current demanded, assuming linear operation, by the stage
that is in slew-rate falls just below the maximum value that sets the slew-
rate. When a first order model is considered for the amplifier, since the
second stage is acting with a frequency independent gain, it can be shown
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that this transition occurs when the slope imposed at the output by the
amplifier dynamics, which is given in the last equation, is equal to the slew
rate. This result applies both for the internal and external slew-rates. In the
case of the internal slew-rate it coincides with the result from analyzing
which is the input voltage that makes the output current of the first stage to
saturate. Therefore, by considering a first order model for the amplifier we
manage to treat jointly the case of the internal and external slew-rates.

Applying this criterium, the output voltage when the transition occurs
(Vans in Figure 4-2), verifies:

ep = Vons) _ o (4.16)
T

with V¢ = Vi, the amplitude of the output step, which is equal to the
input step divided by B.

The slew rate dominated part of the total settling (tg., in Figure 4-2) is
given by:

Vtrans — Vstep ~ SR = Vstep -1 (Vste >1TSR)
(o, =1 SR SR SR P 4.17)

0 (V,, <TSR)

tep

The linear settling time, t;; in Figure 4-2, defined as the time it takes the
output to settle to Vg, with a relative error less than €, and taking into
account that the initial condition is Vs, is given by:

Vo - Vstep

et =1 ln(%)+ln(ts—R] (4.18)

step

tlS = t/
step

where t is time and V, the output voltage.

This expression for the linear settling time has two terms. The first one
(t.In(1/€)) is the usual approximation for the linear settling time. It is the
settling time to relative error € of a first order system with time constant 7.
However, when we take into account the slewing part of the step response,
the step amplitude in the linear part becomes smaller than the total step. We
have (Vep — Virans) instead of V,. Therefore, the time required to reach the
final value with a given relative error € with respect to the total step
amplitude Vg, is smaller than (t.In(1/¢)). The second term is indeed
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negative since the argument of the logarithm is always less than one (it is
equal to (Vstep - Vu'ans)/ Vstep)-

The expression of the total settling time, taking into account the slewing
and the linear part, is given by:

V,
tg =t +lgew =T, ln(%)— 1+ II{ TSR ]+ _Sep | ‘c{lne)— 1+ ll'l(x)+ l)

sep | TSR X

(4.19)

where x is a dimensionless magnitude equal to T.SR/V,. From (4.16) we
have that

_ TSR _ Vstep - Vtrans
V. V.

step step

X

(4.20)

Therefore x takes values between O and 1, and its physical meaning is
that it corresponds to the fraction of the total step where we have linear
settling.

The expression (4.19) of the total settling time evaluates to (tIn(1/€)) at
x=1. In this case, there is no slewing part, only linear settling. Then, we have
as result the settling time of the linear system.

(4.19) tends to infinity when x tends to 0. For a given V., x tending to 0
means either T tends to O or SR tends to 0. In both cases the number of time
constants T required for settling tends to infinity, either because T tends to O
for a finite SR or because SR tends to 0 for a finite 1.

The following figures show the evolution with x, of the following
characteristics of the amplifier settling behavior: the total settling time t;
over the small signal time constant T (Figure 4-3), the fraction of the total
settling time dominated by the slew rate (( tgew/ts), Figure 4-4, solid line) and
the fraction with linear operation ( (t;/t), Figure 4-4, dashed line ). In Figure
4-3 the cases of 1% and 0.1% relative error are considered, while in Figure
4-4 the case of 1% relative error is considered. It is interesting to note that
these curves depend only on the required precision (€).

In Figure 4-3 we can see that for x equal to 1 and 1% relative error, we
have t, equal to 4.6 T, which is equal to In(1/¢) with the considered value of €
equal to 0.01 (1% relative error). For x equal to 0.1, i.e. 90% of the output
voltage transient in slew rate mode, we have that the number of time
constants required for settling rise to about 11. This figure therefore give us
a first idea, on how the partition of the total transient between the slew rate
limited mode and the linear mode affects the total time required.
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Figure 4-3. Total settling time over time constant as a function of x (fraction of voltage step
in linear operation) for 1% relative error (solid line) and 0.1% relative error (dashed line).
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Figure 4-4. Fraction of the total settling time dominated by the slew rate ( (tslew/ts), solid
line) and the fraction with linear operation ( (tls/ts), dashed line ) as a function of x (fraction
of voltage step in linear operation) for 1% relative error.

The fact that the amplifier has actually a second order response, can be
taken into account by introducing two changes to (4.19): (1) calculating t
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with the actual transition frequency and not the first order one, which for a
given phase margin is achieved including in the expression of T of (4.13) a
correction coefficient keorwr that multiplies wr; (2) multiplying the In(1/€)
term by a correction coefficient (kK.orscq) that takes into account the different
evolution of the second order time response, and hence the change in the
number of time constants required to settle for a given phase margin. For all
the following derivations, these two coefficients were introduced in (4.19) as
follows:

\
TSR e | b e 1 (420

Vstep TSR B'W T 'kcorer

te =T Keomrsen ln(%)— 1+1n|

The model summarized in (4.21) was applied to evaluate the total settling
time at 5% of two experimental class AB amplifiers whose architecture will
be described in Chapter 5. These are a 9MHz class AB OTA in a 0.8um
Bulk CMOS technology and a 5.6MHz class AB OTA in a 2um FD SOI
technology. Since the goal of this evaluation is to check the settling time
model against experimental results, we used the measured fr and SR values
and not the design targets. The fr value was extracted from the measurement
of the open loop frequency response of the amplifiers. The SR value was
taken from the step response measurement. The settling time was measured
in a follower configuration with 0.5V input step. Table 4-2 shows the results
and Figure 4-5 plots the measured vs. calculated relative error in dB for the
FD SOI amplifier. Two calculated curves are shown in Figure 4-5: as a result
either from the application of the proposed model or from considering the
calculated second order response for the linear settling part. The second
order response was calculated applying the measured fr and PM and
considering the initial condition set by the transition between the slewing
and linear period determined according to our model. These results provide a
partial check of our model, since they correspond in both cases with settling
behaviors with an important slewing part (x approximately equal to 0.1), and
thus do not check the evolution with higher x values. Nevertheless, the
results show good correspondence between our model and the
measurements.

Table 4-2. Comparison of calculated and measured total settling time at 5% error with a 0.5V
input step for two class AB OTAs in follower configuration. The value applied for the
correction factor Keoreeq 1S Shown. The correction factor kot Was not applied; the actual wy
value (not the first order one) was applied instead.

Technology fr (MHz) PM (°) SR(V/us) t, measured (ns) tcalculated (ns) Keomseu

Bulk 9.0 57 3.2 157 169 1.3
FD SOI 5.6 64 1.6 311 305 1.05
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2.2 Power Optimization of a Miller OTA for Given Total
Settling Time.

Without any loss of generality, we will develop our power optimization
methodology based on the case of the RC compensated Miller OTA shown
in Figure 4-6. We have chosen the RC compensation because it allows us to
eliminate the right half plane zero of Miller compensation, thus reducing the
requirements on the second stage transconductance and making it possible to
reduce the power consumption. The RC compensation introduces an
additional non-dominant pole, but it can be shown to lie at much higher
frequencies than the first non-dominant pole, associated to the load
capacitance.
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Figure 4-5. Relative settling error in dB for a 5.6MHz FD SOI, class AB amplifier.
Measurement (solid line), calculated with the proposed model (short dashes line), and
calculated with second order model for linear settling (long dashes line).

The following equations summarize the relationships between the Miller
amplifier characteristics and the "low level" design parameters that we will
need to formulate our design procedure [LAK94]:

_ 1 8m

= 422
2 C; 422

le
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. 1 gmi 1 g 2.Cf
PM=f(fy,f with fr; =—="andf 4, =— =
(1 taap) " on ® " orc,C,+Cs(C, +C,)

=k.fr, toassure given phase margin (PM),k =2.2forPM =67°
(4.23)

=> fndp

SR =min(SR,SR,), with SR = 2‘CID1 and SR, = lclﬁ (4.24)
f 2

where PM is the phase margin, fr, is the first order unity-gain or
transition frequency, f,q, is the non dominant pole frequency, SR is the total
amplifier slew rate, min is the minimum function, SR1 is the internal slew
rate, SR, is the external slew rate, g, (gn) is the first (second) stage
transconductance, Ip; (Ip,) is the current through the first (second) stage
transistors, C, is the load capacitor, C; is the parasitic capacitance at the
output of the first stage and Cy is the compensation capacitor.
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Figure 4-6.. RC compensated Miller OTA applied to develop power optimization
methodology.

An additional equation is related to the determination of the compensation
capacitor. This can be done in two ways.

The first lies in the fact that the compensation capacitor determines the
thermal noise characteristic of the amplifier ([LAK94], pp. 523 to 535). The
total equivalent integrated white noise at the input in a —3dB bandwidth of fr
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(which is the case for a follower connected amplifier), provided that the
output stage contribution is negligible, is given by:

vy = [2] 14 8m |2 KT (4.25)
gmt )3 C¢

where g, and g,; are respectively the transconductances of the input
differential pair and input stage current mirror transistors. The range of
variation of the ratio (g,,3/gn;) is not very wide because both transistors have
the same bias current so that:

8m l
Em3 —( A) (4.26)

Emi (g%) )}

This ratio will usually vary at most in a range of about % to 4, and in
most cases in a smaller range’. Therefore, the equivalent input voltage due to
white noise is mainly determined by the value of the compensating
capacitance Cy.

Consequently, a first way is to determine C; from the noise specification.
A second way to determine C; is from the effect it has on power
consumption. If we consider a given transition frequency, Eq. (4.22) shows
that an increase in C; requires an increase in the first stage transconductance
and thus an increase in the first stage current. On the other hand, for a given
phase margin and thus a given non dominant pole frequency, from Eq. (4.23)
it can be seen that an increase in C; results in a decrease in the necessary g,
and hence a decrease in the second stage current. Therefore there is an
optimum C; value that results in a minimum total current, for a given
transition frequency and phase margin.

We will consider that either C;is deduced from the noise specification or
it is determined during the design procedure to give the minimum power
consumption.

Finally Eq. (4.21) gives the total settling time as a function of fr; and SR:

® In low-power/low-voltage applications, the transistors are not biased deep in strong
inversion, hence reducing the spread of values of the g,/ ratio that will be applied.
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V,
ts =f(fT1,SR) ZT'(kCOHSet] ln(-é_)_l"l'ln( TSR )+ TSSt;: ]
step .

4.27)
1

corrwT

withT=

Considering the previous equations, we have five unknowns and three
equations. The five unknowns are: the (W/L) and currents of the input and
output transistors and the compensation capacitance, or equivalently: g./Ip
of the input and output transistors, fr;, current of the output transistor (Ipy)
and compensation capacitance (Cy). The equations are Eq. (4.23) to have a
given phase margin, Eq. (4.27) to have a given total settling time and the
condition that determines the compensation capacitance (any among the two
presented alternatives). Hence, we have two degrees of freedom that we will
assign to the g,/Ip ratios of the input differential pair transistors ((g./Ip)1)
and of the output stage active transistor ((g./Ip),). Our goal will be to
determine the combination of (g,/Ip); and (g,/Ip), that results in minimum
power consumption.

The design procedure explores the design space as follows:

1 The lengths of the active transistors are initially taken at minimum
value. This value can be later increased in order to improve other
performance aspects such as DC gain, 1/f noise characteristic, matching
or offset.

2 A value is chosen for the g, /I ratio of the input stage current mirror
transistors (which we will refer to as T3, and T3). The ratio Ip,/(W/L); is
deduced from the g,/Ip vs. In/(W/L) curve ([SIL96]). Then (W/L); is
calculated, since the current through Ts,}, is equal to the current through
the differential pair transistors (Ip;). (g./Ip)s can be later adjusted if the
pole of the current mirror lies too close to the amplifier bandwith.

3 The design space is explored by systematically sweeping the
parameters: (g,/Ip), (g+/Ip)2, and C; (this last one, in case it is not fixed
from the noise specification). For each combination of these parameters,
the amplifier is designed to comply with the total settling time specified
and to have a given phase margin. This is done by the following iterative
procedure:

3.1 Initial values are determined for fr, and Ip,. This can be done by

solving Eqgs.(4.13) to (4.27) in the simplified case where C; << C; <<
C2 and Ip, >> Ip;.
3.2 Ip; is determined as:
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3.3 Since now the (g,/Ip) ratios and currents are known for all the
transistors T;..T5, (W/L) and then W and L are determined applying
the relationship between g,/Ip and (In/(W/L)) ([SIL96]).

A

(4.28)

)

3.4 From the calculated transistor sizes, the parasitic capacitance C, is
calculated and then the parameter x defined in section 2.1, f; and Ip,
are recalculated with the following equations that are derived from
Egs. (4.19) to (4.24) and (4.27).

22(CCy - G4 (G- Cy))

(e

Ipy = 2nifr

minl 2 22CCy +C(Cy +Cy)
(o4,) (o, e
X =
v

B'kcorer * Vstep

=> (4.30)

1
(kcorrsetl'ln(%)_ 1+ ln(x)+ ; )

2.1BK corrwr ts

3.5  If the relative difference with the initial values of fr; and Ip, is less
than a given error then the procedure is finished, otherwise we iterate
at step 3.2 with the calculated values of fr; and Ip,.

This procedure only calculates the dimensions of the active transistors
T;...T5, the transistors of the current sources can be later sized for the
selected optimum design, since their size does not influence the settling time
to the first order.
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An interesting feature of the proposed procedure is that, though it is
developed in the case of a Miller RC compensated OTA, it can be very
easily applied to other architectures. This is based on the following
considerations.

a) As discussed above, the total settling time model is fairly independent of
the particular amplifier architecture.

b) The most general concept of exploring the design space through the g./Ip
method to search for the minimum consumption for a given total settling
time, can be, of course, applied to any amplifier. What is needed are
suitable set of equations and design procedure based on the g./Ip
methodology for this amplifier

c) The particular design procedure that we have just described for the Miller
RC amplifier, which tells us how to iterate to find the solution, can be
also extended to other cases. This procedure is based on the two
expressions given in Eq. (4.23) that relate the first order transition
frequency with the input stage g,/I ratio and the non dominant pole with
the output stage g./Ip ratio. These same dependencies are present in other
amplifiers. This is for example the case of the folded cascode OTA,
considering as (g./Ip)> the g./Ip ratio of the cascode transistors.

23 Results of Complete Design Space Exploration and
Comparison with Simulation Results

The procedure described in the previous paragraph was applied to the
design of a Miller OTA in the 3um CMOS on FD SOI technology of
Université catholique de Louvain, Belgium ([FLAO1]). The design
specifications are a total 1% settling time of 1us for an input step of
amplitude V., equal to 0.25V and a 10 pF load capacitor, typical for
operational amplifiers for instrumentation. The active transistors' lengths
were taken equal to the minimum value (3um) and the (g./Ip) ratio of the
current mirror was taken equal to 10.

An exploration of the design space as described above, gave as result that
the value of the compensating capacitor that minimizes the total current
consumption is 2pF. Figure 4-7 shows the variation of the minimum total
current as a function of the compensation capacitance. In Figure 4-8, C; was
taken fixed at the optimum value of 2pF and the curves with constant
consumption in the plane (g,/Ip);, (g+/Ip), are shown.



4. Power Optimization in Operational Amplifier Design 107
7.5
<
ERE
€
o
3 737
©
©
F 724 .
£ Optimum: C=2pF, Total current: 7.05uA
3
£
£ .
§ 7
L€ e S S S S S B S S S A B B
08 1.0 12 14 16 18 20 22 24 26
C, (pF)
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Table 4-3 compares, for the optimum design, the results calculated with
our model and the results obtained from the SPICE simulation of the
designed amplifier, modeling the transistors with the EKV model [ENZ95].

Table 4-3. Calculated and simulated characteristics of optimum power design for 1us total
settling time.

Lo (LA) Ip; (UA) Ip (A (gl (V) (e/In) (V) it (%)

Calculated 7.05 0.59 59 16 23 80
SPICE 7.05 0.59 5.9 16.8 24.4 -
ts (Us) SR (V/ius) ft (MHz) PM (°) AO (dB)
(rise / fall) (rise / fall)
Calculated 1/1 0.59 0.75 68 82
SPICE 1.2/0.8 0.41/0.54 0.71 69 88

The comparison shows an acceptable agreement between the expected
values for the total settling time. The slight differences are due to differences
in the actual SR value (e.g. during rise settling, the difference is due to the
influence of the parasitic capacitance at the sources of the input differential
pair) and to variations in the linear settling due to the fact that the output
transistor does not really operate in a small signal way during the transient.
Nevertheless, the achieved agreement validates the application of the method
in order to determine an initial design that can be fine tuned for the desired
performance as needed.

A design based on imposing a usual criterion of equal linear settling and
slewing periods, requires a total consumption of 15.61A, over the double of
the optimum provided by our method.

Next the evolution of the characteristics of the optimum design with the
step amplitude for a constant target of total settling time of 1us and 10pF
load were calculated. The g,/I ratio of the current mirror of the input stage
was taken equal to 10 in all the designs. The results are shown in Figure 4-9
a) to e). We will first analyze the general trends shown in these curves and
then we will discuss an interesting property that derives from them.

The evolution shown in the first four graphs of Figure 4-9 agrees with
what would be expected. The transition frequency and slew rate needed to
comply with the given total settling time increase as the step amplitude
increases. This makes the total consumption to increase and the optimum
gn/Ip ratios to decrease. The optimum pair of g,/Ip ratios of the input and
output stages features, as in the case of the example analyzed above, higher
gn/Ip at the output stage. This result is explained later. For higher step
amplitudes the slew rate has, as expected, more influence, and thus the
percentage of linear settling that leads to optimum consumption decreases
with increasing step amplitude. The compensation capacitor of the optimum
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design decreases with increasing amplitude, which is reasonable since the
transition frequency is rising.
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A new, interesting result is found in Figure 4-9 e). The optimum is
achieved for the ratio between the input stage g./Ip and output stage g./Ip
which corresponds to equal internal and external slew rate values (letting
aside for the moment the case of small (0.1V) input voltage steps, which will
be discussed separately). This result can be understood as follows: for a
given slew rate value, the transition frequency needed to comply with the
specified total settling time is fixed. As the slew rate is determined by the
minimum (the more restrictive) among the internal and external slew-rate,
then to select one of them higher than the other one does not contribute to
increase the overall amplifier slew-rate, just increases consumption.

That the optimum occurs when the internal and external slew rates are
equal also means that it is then more efficient to reach a given total settling
time by "investing" the current in increasing the slew-rate rather than in
increasing the transition frequency. This can be visualized as follows.
Suppose we consider the optimum design with equal internal and external
slew-rates and a modified design with a higher g, /I, ratio in the first stage.
This increase in the g,/Ip ratio of the first stage would try to decrease the
first stage current needed for a given transition frequency. The first order
transition frequency and the input stage slew rate are related through g./Ip
by (applying Egs. (4.22) and (4.24)):

Ct Ct Zm (gm/ID )1

In our hypothetical modified design, as we increased (g,/Ip),, if we keep
constant the transition frequency, then the first stage slew rate will decrease,
yielding a decreased total slew rate. Then, to keep the same total settling
time, the transition frequency will have to be increased, but this led to a non
optimal design. Hence, it is not convenient in this case to trade-off increased
transition frequency for smaller slew rate.

For input step amplitudes below 0.2V we have the opposite situation to
the one we have just described (i.e. it is more "profitable" to "invest" in
transition frequency rather than is slew-rate). This change happens because
as we decrease the step amplitude, the slew rate period has less influence on
the overall settling, and therefore it is more efficient to act on the total
settling time through the transition frequency. When this occurs, we gain
more from increasing the input stage g,/Ip ratio, through the effect that this
has on reducing the input stage current for a given transition frequency, in
spite that this transition frequency has to be slightly increased to compensate
for the reduction in slew rate that this increase of g./Ip provokes. This
change of "strategy" at 0.2V is also visible in Figure 4-9 c¢), where we can
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see that for amplitudes of less than 0.2V, the decrease of the fr with
decreasing amplitude slows down while the decrease of the slew rate is more
acute.

The condition of equal internal and external slew rates implies that the
g./Ip ratio of the output stage is higher than the one of the input stage. This
can be shown as follows. The internal and external slew rates are given by:

SR, 4.32)
"G gm G (gy)
ID
SR, =102 _ Ip2 Bma _ Wadp 4.33)

1
e C, gm G - (gr%l
Ip

Cs
c,+¢| St
C,

Then to have equal SR;,; and SR.,, implies:

2'WT Wndp 1

gy g%
Ip C; Ip 2
C1+cf[%+1}
2
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2
Wt W
Cs
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The term (1/2)(wnap/Wr) is determined by the stability condition. In our
case we took W,y = 2.2W7 so this terms equals 1.1. The ratio of the second
and first stage g,/Ip values exceeds this value by a factor that depends on the
parasitic capacitance C;. In the example of Figure 4-9, (g./Ip), ranges from
1.35 to 1.58 times (g4/Ip); for input step amplitudes between 0.2V and 1.0V.
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The plots in Figure 4-10 a) to e) show the evolution of the optimum
design with the specified total settling time for fixed step amplitude of 0.5V.
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Figure 4-10. Evolution of characteristics of optimum design for a step amplitude of 0.5V on
a 10pF load as a function of the total settling time. a) Total current and second stage current,
b) input ((g,/Ip);) and output ((g,,/Ip),) stage transconductance to current ratio, ¢) first order
transition frequency (fr) and slew rate (SR), d) percentage of linear settling, compensation
capacitance and parasitic capacitance at the output of the first stage, e) ratio of internal to
external slew rate.
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The graphs a), b) c) follow the expected trends. As we decrease the
specified total settling time, the consumption, transition frequency and slew
rate increase, while the g./Ip ratios decrease. Graph d) shows that as we
decrease the total settling time, the percentage of linear settling increases.
Graph d) also shows a result that might seem surprising at first look: the
required compensation capacitance increases as we decrease the total settling
time. This happens although at the same time an increased transition
frequency is needed. The explanation derives from the examination of the
other curve that is plotted in graph d). This curve represents the parasitic
capacitance at the output of the input stage (C;), which is also increasing
with decreasing total settling time, due to the increased transistor sizes
required. Hence, an increased compensation capacitance is needed.

The plot e) shows the same behavior that was observed as a function of
the step amplitude. For higher settling times, the optimum occurs when the
internal and external slew rates are equal. As the specified settling time
decreases, we get to a point (in this case at a settling time of about 100ns)
where the percentage of time that the circuit is in linear settling is high
enough, so that in order to further decrease the total settling time, it pays
more to increase the transition frequency, in spite of a reduction of the slew-
rate.

We will now discuss the influence of three parameters that have been
considered fixed in the previous analysis: the load capacitance, the ratio of
the non dominant pole frequency to the transition frequency (or equivalently
the phase margin) and current mirror g,/Ip, ratio.

2.3.1 Effect of the load capacitance

The previous results have considered a 10pF load capacitance. We will
now show that the characteristics of the optimum design (g./Ip values and
internal to external slew rate ratio) remain the same independently of the
load capacitance value. First, the studies of Figure 4-9 and Figure 4-10 were
repeated for load capacitances of 3pF and 50pF. Then, the evolution of the
optimum design as a function of the load capacitance for 0.5V step
amplitude and 1s total settling time was calculated. The following graphs
present the results of these studies. Figure 4-11 a), b) and c) compare the
evolution of the optimum design as a function of the step amplitude, for the
three values of the load capacitance C, (3 pF, 10 pF and 50 pF). A total
settling time of 1us was considered in all cases. Figure 4-11 a) plots the
g./Ip ratios of the input and output stages; in Figure 4-11 b) the ratio of
internal to external slew rate is presented and Figure 4-11 c) shows the total
consumption. From Figure 4-11 a) and b), it can be seen that the optimum
combination of g,/Ip ratios and the criterion of having equal internal and
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external slew rate remain valid when the load capacitance is changed. The
small variations between the curves corresponding to different load
capacitances are due to the discrete steps applied in the g./Ip ratios and C;
values in the exploration of the design space. For input step values (or total
settling times values, as shown below) where the criterion of equal internal
and external slew rate holds, other optimum values are equally unaffected by
the change in the load capacitance. These are the optimum values of
transition frequency, slew rate and time fraction in linear settling and in slew
rate mode. The change in the load capacitance does affect other variables
such as the compensation capacitance value and the currents, as is illustrated
in Figure 4-11 c) for the case of the total consumption.
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Figure 4-11. Effect of the value of the load capacitance on the characteristics of the optimum
design when considered as a function of the step amplitude for a total settling time of 1s. a)
Input ((g,+/Ip);) and output ((g,/Ip),) stage transconductance to current ratio, b) ratio of
internal to external slew rate, c) total current. The results for 3pF, 10pF and 50pF loads are
marked with square, circle and triangle symbols respectively.
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The independence of the previous results from the value of the load
capacitance is also supported by the results shown in Figure 4-12 and in
Figure 4-13. The plots in Figure 4-12 a), b) and c) are analogous to those of
Figure 4-11 when the variation with total settling time, for an amplitude step
of 0.5V is considered. Figure 4-13 considers the evolution with the load
capacitance of the optimum consumption for a design with a fixed step
amplitude of 0.5V and total settling time of 1jis.
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0.5V. a) Input ((g,+/Ip);) and output ((g,/Ip),) stage transconductance to current ratio, b) ratio
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2.3.2 Effect of the position of the non dominant pole

The effect of the position of the non dominant pole was studied in the
case of step amplitude of 0.5V, total settling time of 1us and 10pF load. For
each position of the non dominant pole the coefficients Kcomsen and Keopwr
were adjusted accordingly. These coefficients are applied in our first order
model in order to introduce the change in settling time due to the change in
settling behavior (Keomsen) and time constant value (Keomwr) due to a second
order system. Figure 4-14 a) depicts the total current consumption and value
of the correction coefficients as a function of the position of the non-
dominant pole with respect to the transition frequency of the first order
system. Figure 4-14 b) shows the evolution of the internal to external slew
rate ratio with the position of the non dominant pole.
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Figure 4-14. Effect of the position of the non dominant pole on the optimum performance. a)
Total current consumption and correction coefficients K oreens Keorrwr, D) ratio of internal to
external slew rate.

Let us analyze the behavior of the magnitudes plotted in Figure 4-14 a) as
we decrease the ratio of the non dominant pole f,q, to the gain-bandwidth
product (here noted fr, as the transition frequency of the equivalent first
order system). On the one hand, the actual transition frequency decreases
with respect to the transition frequency of the first order system, hence Keomwr
decreases. On the other hand the step response becomes more oscillatory,
making the correction coefficient Keomen (Which takes into account the
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difference with the settling response of a first order system) increase. A more
oscillatory frequency response makes the total consumption increase. The
non monotonicity of the total consumption as we decrease fiqy/f1; is due to
the effect of the oscillations in the step response, which make small changes
in the non dominant pole position have significant effects on the linear
settling time. Figure 4-14 a) shows that the optimum value of the ratio
frap/fr1 is 2.8, which corresponds to a phase margin of 71°. Figure 4-14 b)
shows that for the usual range of fi4/fr, the criterion of having equal
internal and external slew-rate remains valid.

2.3.3 Effect of current mirror g./Ip ratio

The procedure applied for the exploration of the design space considered
a fixed value of the g,/Ip ratio of the input stage current mirror. This value
assured that the doublet associated to the current mirror lay after the
considered amplifier transition frequencies. To consider a fixed g,/Ip ratio
for the current mirror has two possible drawbacks. First, a systematic offset
is introduced since the DC drain to source voltages of the two transistors of
the mirror are different. Second, when we consider the evolution of the
optimum design with a changing total settling time, we are not optimizing
the mirror size according to the amplifier transition frequency. In order to
quantify whether these effects were significant we performed the following
calculations. First, we evaluated the systematic offset introduced in the
previous designs. Second, we re-calculated the optimum point as a function
of the total settling time analysis with 0.5V step amplitude and 10pF load,
considering for the g./Ip ratio of the input stage current mirror the same
value as the one considered for the output stage active transistor (T, in the
schematic diagram of Figure 4-6 ). By adjusting the g./Ip ratio of the mirror
in this way, we are assuring that there is no systematic offset introduced and
we are also adjusting the mirror g,/Ip according to the amplifier transition
frequency, since the optimum g,/Ip ratio of the output transistor will move
towards strong inversion as the amplifier transition frequency increases.

The results of these calculations are as follows. In the original procedure,
with a fixed current mirror g./Ip ratio, the systematic offset introduced
varies from 0.5mV for a total settling time of 10us to 2.6mV for a total
settling time of 10ns. Therefore the systematic offset introduced would be, at
most, only comparable with the random offset. The results for the optimum
calculated with equal g,/Ip ratios for the mirror and output transistors, as a
function of the transition frequency were practically identical to the original
results.
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234 Comparison of optimum consumption in FD SOI and Bulk
technologies

Finally, these results of optimum consumption in FD SOI technology
were compared to those achievable in Bulk technology. The same procedure
for the exploration of the design space was applied with the process data of a
comparable Bulk technology, which was given in Chapter 3. To make a
comparison in similar conditions, the g./Ip ratio of the input stage current
mirror was chosen so that it provided the same current mirror pole frequency
as the one we have in FD SOI technology. In FD SOI the current mirror pole
frequency, calculated according the procedure presented in Chapter 3 is
89MHz for 3um length and a g,/Ip ratio of 10 V™' in the current mirror. We
must remember this is an estimation that does not consider additional
parasitic capacitances connected to the current mirror input. To reach the
same pole frequency in bulk, a g./I, ratio of 5 Vs needed.

The ratio of total consumption of Bulk to SOI ranged from 1.18 to 1.66
for settling times in the 100us down to 40ns range. It must pointed out that
the bulk design will be worst in several aspects that are improved in SOI,
such as gain, input common mode range and output voltage swing. If we
would aim to equalize these aspects in both designs, the savings in
consumption in SOI would rise. Figure 4-15 shows the optimum
consumption and resulting g,/Ip ratios in both technologies.

3. EVALUATION AND CONCLUSIONS

This chapter has discussed the factors that determine power consumption
in analog circuits, proceeding from the theoretical limits to an example of
methodology to optimize power consumption in the design of an operational
amplifier.

In the first part the theoretical and practical limits to power consumption
as well as the figures of merit of the power efficiency of analog circuits have
been reviewed. One consequence of this analysis for the evaluation of the
results of our sense channel case of study is that the minimum power
consumption of a circuit that provides voltage gain is proportional to this
gain. This conclusion is relevant when comparing the consumption of the
filter/amplifier of the sense channel design with the consumption of filters
that are usually designed for unity in-band gain.
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Figure 4-15. Optimum consumption (a) and g./Ip, ratio (b) in Bulk and SOI as a function of
the total settling time, for a 0.5V step amplitude and 10pF load capacitor. The g,/Ip, ratios of

the current mirror transistors are 10 V' in SOI and 5 V! in Bulk.

The second part presents a systematic study on the partition of the total
settling time between the slew rate dominated period and the linear settling
period in order to optimize power consumption. Our study is based on a
simple, design-oriented model for the total settling time, which, contrary to
previous works, includes the modeling of both internal and external slew
rates and considers a general feedback factor B. The proposed design
procedure was tested in the case of a Miller RC compensated OTA but it can
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be easily generalized to other OTA architectures. The resulting exploration
of the design space provides the optimum values of the g./Ip ratios for the
input and output transistors as well as the optimum combination between
slewing and linear settling periods. We have shown that an optimum exists
and we have given a method to determine it. Moreover, the results show that
this optimum complies, for ample ranges of input step amplitudes, with the
property of being the design that leads to equal internal and external slew
rate values.

The proposed method can be applied in a loop in order to adjust other
performance aspects that are not considered in the optimization. For
instance, DC gain, offset and 1/f noise can be improved if necessary by
increasing the transistor lengths and repeating the procedure. In certain
cases, it might be necessary to choose a solution that is "sub-optimal”. This
would be the case, for example, if the resulting input common mode range
and output swing (which are related to the g./Ip ratios of the input and
output stages) are not sufficient. Nevertheless, even in this case the method
provide us with a very suitable starting point for further optimizations.

The proposed approach is an example of the superior properties of the
gn/Ip method proposed in [SIL96] as a tool to explore the design space.
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Class AB Micropower Operational Amplifiers

Class AB amplifiers contribute to minimize power in several ways: on
the one hand by decoupling the large signal (i.e. slew rate and current
through the load resistor), and small signal (i.e. stability) requirements on the
output stage; on the other hand by reducing quiescent current consumption
when the signal to be processed, as in this case the cardiac signal, is "active"
during only a small part of the system cycle. When a class A amplifier is
applied, as was the case of the pacemaker sense channel described in
Chapter 2, the class A bias current, which is consumed permanently, must be
dimensioned according to the output current demand when a large signal is
applied. However, this large signal is only present during a very small part of
the system cycle.

This chapter presents a novel approach for the design of a class AB
output stage suitable for a micropower environment ([SIL0O]).

Most work in the "mainstream" class AB design stems from either power
amplifiers (e.g. audio power amplifiers); buffers and amplifiers for very low
load impedance (e.g. line drivers); or "general purpose" op. amp. cells and
"off-the-shelf" op. amp. design, which are specified for dealing with loads in
the k€ / hundreds of pF range. Some work has also been devoted to
amplifiers for switched capacitor filters, which is an area closer to our goals.

Our central goal is to obtain a design suitable to replace the second stage
in a two stage Miller amplifier for the sense channel application. Detailed
specifications of this amplifier were presented in Chapters 1 and 2. These
specifications call for characteristics that are not commonly addressed
together in "mainstream" class AB architectures:

a) Micropower consumption
b) Operation at 2V power supply
c) Load with high resistance (some M£2s) and medium capacitance (S0pF)
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d) Need for well-controlled quiescent current, independent of supply
voltage, which will vary in a large range.

Usual class AB designs, that aim at dealing with low load impedances,
end up with complex structures that induce big penalties in terms of base
quiescent current (due to many auxiliary circuits), area and design
complexity.

On the other hand some simple structures (e.g. the one shown in Fig. 4.70
of [GRES86] at page 181) have quiescent current which is greatly dependent
on the supply voltage.

Consequently, our general goal was to develop a simple, low-voltage,
very low consumption structure aimed at replacing class A output stages for
high load resistance / medium load capacitance amplifiers. Though the direct
application is the pacemaker sense channel, more general application
domains are active RC filters, MOSFET-C filters and switched capacitors
filters. The proposed method was experimentally tested for transition
frequencies up to more than 10MHz in 2 pm Fully-Depleted SOI and 0.8 um
Bulk CMOS technologies.

This chapter will be organized as follows. First, we will introduce the
general characteristics of class AB stages and review the main structures
found in the literature. Then, we will describe the selected architecture and
the method applied to synthesize it for minimum power consumption.
Particular attention will be devoted in this part to the modeling of the high
frequency doublets introduced by the current mirrors. Next, the experimental
results on the fabricated prototypes and comparisons with reported
amplifiers of similar characteristics will be presented. Finally, improvements
to the basic circuit structure and design method will be discussed.

1. GENERAL CHARACTERISTICS AND
STRUCTURES OF CLASS AB STAGES

1.1 General characteristics

An output stage is based on two blocks: one that sources current from the
positive power supply to the load and another one that sinks current from the
load to ground or the negative power supply. In class A stages the signal is
delivered to the load only through one of these blocks, while the other one is
a constant bias current source (Figure 5-1 a)). In class AB and class B stages,
the signal reaches the load through both blocks (Figure 5-1 b)). The
difference between class AB and B lies in the current flowing through these
blocks when in quiescent conditions, i.e. when there is no current delivered
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to the load. The quiescent current through the class B output devices is null,
while in class AB there exists a minimum current in order to guarantee
stability and improve the linearity of the stage at low amplitude output
signals (i.e. avoid crossover distortion).

VDD VDD
UL | L=f(Vi)
) V&_ o
Vi —* Vo —* Vo
] || L=f(vi) 1 L=f(vi)
a) b |

Figure 5-1. Basic structure of a) class A and b) class AB stages.

A standard way to graphically describe the current characteristics of an
output stage [LAN99, SJO99] is with the plot of the stage source current (I,
in Figure 5-1 b) ) and sink current (I, in Figure 5-1 b) ) as a function of the
output current I, Current characteristics are shown in Figure 5-2 a) for a
class A stage and in Figure 5-2 b) and c) for typical class AB stages. The
characteristic of Figure 5-2 b) summarizes the main operating principles of
class AB stages. At zero output current there is a non-zero current through
the output devices I. As the magnitude of L, increases, one of the output
devices delivers the load current while the other one tends to cut-off in order
to increase the efficiency.

I I,

A2

/_f;

i >
T

0 I

a)

Figure 5-2. Plots of current characteristics of a) class A stage, b) class AB stage, c) class AB
with minimum current I,

The main specifications of a class AB output stage are determined as
follows. The quiescent current must assure the stability (i.e. the desired
small-signal phase margin) for a given load capacitance. The maximum
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current that the stage can deliver must be sufficient for supplying the current
through the load resistor at maximum output amplitude and for supplying the
required current through the load capacitor (i.e. for assuring the desired
output or external slew rate).

An additional improvement is often imposed on the operation of class
AB stages. In the class AB characteristic shown in Figure 5-2 b), one of the
output devices is completely turned off when the other is supplying a load
current of large amplitude. When the device that is off must conduct again,
a delay appears, associated with the action of charging capacitances at the
output device or its driver. This delay leads to increased distortion and
ringing in the transient response of the stage. Therefore, it is preferable to
always assure a minimum current through the output devices as done by the
current characteristic shown in Figure 5-2 c).

A final general consideration refers to the relationship between the
characteristics of class AB stages and distortion. Low distortion is not a
critical feature in the pacemaker sense channel amplifier; nevertheless, the
analysis of the distortion characteristics of the proposed class AB stages is
important when considering their more general application. The main
principle here is that for given open loop nonlinearities, the distortion in a
closed loop configuration depends on the amount of loop gain at the
frequency of interest [CAS92]. This principle is a consequence of the well-
known property of feedback of reducing gain sensitivity and distortion
[GRA93, pp.537, 538]. It can be exemplified as follows. Consider a two
stage amplifier in which the output stage gain (A,) is non linear, i.e. its gain
is dependent on the output signal. The closed loop gain A, is given by:

G = _ArAy (5.1)
1+A.A,B

where A is the first stage gain and P is the feedback factor. If the open
loop gain (A;. A,.p) is much greater than 1, the A, non linearity has a
negligible effect on the closed loop gain. We will come back later to this
expression in order to estimate quantitatively the expected distortion with the
proposed class AB stage.

Although open loop gain helps to reduce the distortion originated at the
output stage, to lower the root causes of distortion is always desirable. This
means a flat stage gain with small variation with L,,, for both positive and
negative values of I, This is an objective pursued in many class AB
architectures [LAN99]. Nevertheless, we will show that due to the reduction
achieved through the loop gain, architectures that deliberately have non-
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symmetrical gain for positive and negative L,,, still achieve very reasonable
distortion values (-60dB).

1.2 Structures

Traditional class AB stages applied the common drain configuration (or
common collector in bipolar technology) for the output devices. This is not
acceptable in a low supply voltage environment, since the output swing is
reduced by one gate-source or base-emitter voltage at each supply rail. Low
voltage stages apply common source output devices as shown in Figure 5-3.
Consequently, the stage is capable of providing voltage gain, which is a
feature we need since we will apply the class AB stage to replace a class A
stage in a two stage amplifier.

VDD VDD VDD VDD
— T[’éH —

: | Class . : +
Vi Vi Vi
«— AB Vo \-—{ il};lss Vo \—)CD Vier Vo
Control
Control -
— “—»Jil—i —
a) = b)) == = c) =

Figure 5-3. a) General common source class AB stage, b) Feedback class AB control, c)
Feedforward class AB control.

Once we have defined the configuration of the output devices we need a
mechanism to drive the gate of the output transistors from the input signal so
that we have a class AB current characteristic as shown in Figure 5-2 b) or ¢)
and a well controlled quiescent current. This class AB control is done in two
ways in existing stages [LAN99]: feedback control and feedforward control.

In feedback control (Figure 5-3 b) ) the current through the output
devices is sensed and then the class AB control acts in a feedback loop on
the output transistor gates, in order to achieve a given class AB operation
and quiescent current. In feedforward control there is no feedback; the
voltage driving the gates is generated directly from the input, relying only on
matching to set the output transistors class AB operation. A way of
implementing the feedforward strategy is to simulate a floating voltage
source that controls the output transistor gates as in Figure 5-3 c). Feedback
strategies allow to design and control the class AB characteristic more
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precisely, although they have the added difficulty of dealing with a feedback
loop that must be kept stable, within an already complex op-amp scheme.

An ample review on these two alternatives with several examples of
implementations is found in [LAN99] as well as in [CAS92].

2. PROPOSED CLASS AB ARCHITECTURE

The structures we applied here are shown in Figure 5-4.a and Figure 5-
4.b [SILOO]. The quiescent current is determined through a feedback loop
that senses the current through M, (with transistor M¢) and adjusts the
quiescent current, acting on the current through the output transistor My. The
structure of Figure 5-4.b has been applied previously in [VER96] and
[GRI97] and earlier utilization is referred to in [WIL91]. Nevertheless, these
works do not exploit the principle we are proposing.

VDD
I
A CL
He v, H e
C
&
c) =

Figure 5-4. Class AB output stages (a, b) and conventional class A output stage (c ). From
[SILO21], © 2002 IEEE.

The design approach we propose provides a significant reduction in
power consumption with respect to traditional class AB and class A
structures by three means. First, the output stage transconductance is boosted
through the current mirror gains resulting in an important improvement of its
transconductance to current ratio. Second, it can be shown that this increase
in the output stage transconductance, results in a reduction of the value of
the Miller compensation capacitor that gives minimum consumption for a
complete amplifier. This reduction in the compensation capacitor, besides
saving area, makes it possible to reduce the first stage consumption and to
operate the first stage transistor closer to weak inversion. This provides
additional benefits in terms of increased input common mode range and
reduced offset voltage. Third, the architecture provides a low impedance
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path from the input of the driver stage to the output transistors, avoiding
compensating capacitors internal to the output stage.

Besides the improvement in power consumption, the circuit is also very
well suited for low-voltage operation. The output stage only requires one
gate —source plus one source —drain voltage to operate. In addition, these
voltages are reduced due to the lower current required thanks to the
transconductance multiplication effect.

Two disadvantages appear with respect to more complex class AB
architectures.

First, no mechanism is provided to assure that both output branches will
always remain in conduction. This, as mentioned above, leads to increased
ringing in the time response for high amplitude steps and increased
distortion, due to the increased turn-on delay associated to the branch that is
cut off. This disadvantage is of no consequence in the case of the pacemaker
sense channel application, due to the kind of signals that are handled, though
it could be of concern in other applications. Moreover, this point can be
solved with a simple addition to the stage structure, implying small penalties
on consumption and minimum supply voltage as described later.

Second, the ratio of the maximum output current to the quiescent current
is fixed by the current mirror gains. As we will see below, the maximum
allowable value of these gains is limited due to its effect on stability. Thus,
the ratio of maximum output current to quiescent current is also limited. In
spite of the last disadvantage, a significant reduction in consumption with
respect to a class A case is achieved.

Distortion is an additional possible concern, when considering the use of
this architecture in general applications, besides the pacemaker case. The
transconductance multiplication effect is based on an asymmetric behavior
of the p and n sections of the output stage, hence leading to a non linear
behavior of the output stage. However, as we discussed above and we will
demonstrate based on estimations and measurements shown below, the high
gain allows us to reach very reasonable distortion figures.

Concerning the comparison of the architectures of Figure 5-4 a) and b),
the b) architecture is more efficient; for a given quiescent current I, in the
output branch and equal gains of the current mirrors, the total consumption is
higher for architecture a). For usual values of gains of the current mirrors
shown below, the total current increase for architecture a) can be in the range
of 1 to 3 times I

On the other hand, architecture a) is more apt for high frequency
operation for the reasons that follow. In architecture b) one aspect limiting
the high frequency operation is the frequency response of current mirror M,
— My . This mirror has a small current through M., since its current is the
output branch quiescent current divided by the product k times m. We are
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interested in increasing this product, since this will increase the
transconductance multiplication effect. In addition, in architecture b), the
parasitic capacitance that fixes the pole of the mirror M, — My s increased by
the parasitic capacitance of the current source lap.

In the architecture a) the current through M, is higher (which makes this
stage to be less efficient). On the other hand, M.-M, are in the a) case pMOS
transistors instead of nMOS, but this is usually compensated by the increase
in current. If this stage would be used with a first stage with an nMOS
differential pair, the symmetric stages, interchanging p-type and n-type
transistor, would be used and the architecture a) would have a further
advantage in frequency response.

Since we are looking for solutions that favor consumption reduction, in
what follows we will consider architecture b).

We will now analyze the main characteristics of the proposed approach.

The quiescent current is fixed with respect to the L.tap current source as
follows. In quiescent conditions, the output current at the V, terminal is zero
and the output branch quiescent current (I, in Figure 5-4) must be such that
the sum of the scaled versions of I; at M, and M is equal to L.sp. This
condition yields:

I = k'rnIrefAB (52)

q
1+E'E
h

where h, k and m are the gain factors of the current mirrors shown in
Figure 5-4

The total equivalent transconductance of this stage under class AB
operation, defined as the ratio between the total signal output current i, and
the input signal voltage v; is given by:

e (H%)D(s) (53)

where g, is the transconductance of the output transistor M, and D(s)
represents the contribution of the frequency response of the current mirrors.
Although these may introduce high frequency doublets, the circuit can be
properly stabilized even if the stage transconductance is multiplied by
factors as high as 25.

It is also interesting to consider the effect on the transconductance to
consumed current ratio (g,/Ip) of the stage. It is given by:
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1+ Xm,

(&m /1) = (&m /1, )0 ——2—-D0) (5:4)
+—+—+-)
k km h

In this case, multiplication factors as high as 12 can be achieved. This is
like having an equivalent transistor 12 times more efficient than the original
one.

Let us now consider the influence of the response of the current mirrors.
The D(s) factor is given by Eq. (5.5). The factor (1+km/h) that multiplies the
transconductance in Eq. (5.3) is noted by g, While w, (resp. w,) is the
angular frequency of the pole of the current mirror My,-M, (resp. My-M,).
The latter is given by the ratio of the M, (M,) transconductance over the
total capacitance at the M. (M.) gate node.

11\34_152

1+(—+—
D(s) = We W ngmult WeWe €mmult

(HLIHLJ
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The doublet introduces an important phase shift near the w. and w,
frequencies. This phase shift increases with gumur, as shown in Figure 5-5.
This effect determines the maximum acceptable values for the gumu. factor.
The next section shows the method applied to determine the optimum
solution.

Let us now summarize the factors that determine the achievable total
consumption reduction. Consider we apply this output stage as the second
stage of a Miller amplifier, in which the Miller capacitance is connected
between the V; and V, terminals of Figure 5-4.b. Since the non-dominant
pole of this amplifier is proportional to the second stage transconductance,
the second stage current will decrease in a proportion comparable to the
increase in the g./Ip ratio, when compared to the class A output stage
(shown in Figure 5-4.c). The improvement in g,/Ip is not completely
translated into a reduction of the current. The reason is that the non-
dominant pole must be slightly increased, with respect to the class A case, to
have the same phase margin while allowing the phase shift introduced by the
doublets. Taking these factors into account, reductions of quiescent current
by a factor of 3 to 4 with respect to the class A case are achievable.

Finally, we consider the maximum output current capability of the stage.
The maximum source current is given by k.m.I.¢ap, While the maximum sink

(5.5)
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current is limited by the size of M, and the maximum V; voltage at the input
of the stage.

gmmult:5
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Figure 5-5. Amplitude and phase of the current mirrors frequency response D(s) for both
current mirror poles located at the same frequency. The response is shown as a function of
the frequency normalized to the current mirror pole frequency. The transconductance
multiplication factor gpmuy varies from 5 to 25.

3. DESIGN METHOD

A design methodology for the application of this output stage to a Miller
amplifier with R-C compensation network was developed. The R-C network
eliminates the right half plane zero of the Miller amplifier making it possible
to reduce the overall consumption by further decreasing the requirements on
the second stage transconductance. The input stage uses a simple pMOS
differential pair. The amplifier schematic is shown in Figure 5-6.

The phase margin of this amplifier is determined by the position of the
non dominant pole with respect to the transition frequency and by the
response of the current mirrors. This last factor, as shown in Eq. (5.5),
depends only on the frequency of the poles and the gain of the mirrors
(through gmmu). Let us express this relationship by the following equation:



5. Class AB Micropower Operational Amplifiers 133

PM:f(Wnd%T,wc,We,k,h,mJ (5.6)

where Wpapo 18 the Miller amplifier non dominant pole angular frequency
that would result if the influence of the frequency response of the current
mirrors were negligible, (i.e. D(s) =1):

(5.7)

where C; is the Miller compensating capacitance, C,; is the parasitic
capacitance at the input of the output stage and C, is the load capacitance.
Later we will discuss the exact expression to be applied as Eq. (5.6)

M,

Figure 5-6. Complete Miller RC compensated OTA with class AB output stage. From
[SILOO], © 2000 IEEE.

3.1 Selection of the gains of current mirrors

Since the gains of the current mirrors k, h and m, affect the amplifier
phase margin (through their influence on the output stage transconductance
and on the frequency response of the current mirrors) as well as the total
quiescent current of the second stage, this trade-off between power and
stability must be taken into account to design this amplifier.
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We developed a design procedure based on finding the set of current
mirror gains that provides the maximum reduction in consumption while
preserving stability.

First, we derived simplified approximate analytical expressions for the
current mirrors poles. The main goal was to allow to decouple different steps
of the synthesis procedure like the selection of k, h and m, the sizing of the
first stage transistors and the determination of the Miller capacitance that
otherwise should be carried out through a more complex iterative process.
These expressions are based on the following assumptions:

a) the parasitic capacitance at the input of the second stage Cj is
approximately given by the gate capacitance of M, and M. It is supposed
to be negligible with respect to the Miller capacitance C;.

b) the gate capacitances also dominate in the parasitic capacitances that
define the poles of the current mirrors (reasonable hypothesis when the
current mirror factor is larger than 1).

These assumptions are valid in the amplifiers under consideration and are
even more appropriate in the case of SOI technology than in Bulk CMOS
technology, due to the lower drain-substrate capacitances.

For the sake of simplicity in the illustration of the procedure, we will
suppose all transistors to be of minimum length. Otherwise, the L values can
be easily introduced in the following equations.

Under these conditions, applying Eq. (5.7) and the strong inversion
approximation for gate capacitances, the poles of the current mirror in the
structure of Figure 5-4 b) are given by Egs. (5.8) and (5.9). Similar
expressions can be derived for the circuit of Figure 5-4 a).

w = Bme (g/) (%) (h+1)
©T ¢, T v k. C, (%) (k+1
c (A))a £ mmult 1—()( +1) (58)

1 e
e k'gmmult C1 (%)c (k + 1)
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where (g./Ip); is the transconductance over current ratio for transistor i
(with i = a, e, ¢), and g, and C. (g and C.) are the transconductance and
parasitic capacitance at the gate of transistor M, (M)

In the third approximate expression in Egs. (5.8) and (5.9), it was
considered that the g./Ip values of transistors M,, M. and M, which are in
similar biasing conditions are approximately equal. A more exact procedure
would be to express the quotients between g,/Ip and (W/L) that appear in
Egs. (5.8) and (5.9) as a function of the g./Ip, values and current ratios (i.e.
current mirror gains). For the case of Eq. (5.8) this can be done as follows
(and in analogous way for Eq. (5.9)):

(72 / (70 / LA

(*24,) / (1) / lﬁm/@)ymh
(5.10)

o))
{(=0))"

where the last equality is obtained by applying an expression for the
relationship of gu/Ip vs. Ip/(W/L) obtained from a transistor model
continuous in all regions of operation, as was done in Chapter 3 to analyze
the frequency response of the current mirror.

In any of these two approaches, the (g,/Ip) or the (W/L) values that
appear in Egs. (5.8) and (5.9) are chosen a priori by the designer based on
considerations such as transition frequency, output current and allowable
bias voltages of internal nodes. Therefrom, considering equations (5.6), (5.8)
and (5.9) we have a set of equations with the unknowns k, h, m and Wnape/Wr.
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We then find, with the aid of an optimization program, the set of values
which results in a given phase margin value while maximizing the ratio
Ia/Iap Where 14 is the consumption of a class A output stage with the same
phase margin and I,p is the total quiescent current consumption of the class
AB output stage.

We will now consider the issue of the calculation of the phase margin.
The main contribution to the phase margin is through the term related to the
non dominant pole in the amplifier open loop transfer function. Other
contributions come from the input stage doublet [LAK94, pp. 622-627], and
the zero and pole associated to the Miller resistor. The input stage doublet
can be treated separately in the standard way and the pole and zero
associated to the Miller resistor will be supposed to have a negligible
influence, which is usually the case. The phase contributed by the non
dominant pole is given by:

1
phase (5.11)

1+ Jw

W dp0-D(jW) e
=Wr

where the dependence of the output stage transconductance g, (given by
Eq. (5.3)) on the frequency response of the current mirrors D(s), has been
shown explicitly by expressing w,g, as the product of wygo (the non
dominant pole angular frequency if the frequency response of the current
mirrors were negligible) and the term D(jw). Since the complex quantity
D(w) influences the phase to be determined, the exact determination of this
phase requires a numerical evaluation of Eq. (5.11). We initially took a
simplified approach, which provides an approximate, pessimistic, estimation
of the influence of the frequency response of the current mirrors on the phase
margin. This simplified approach is to approximate the phase of Eq. (5.11)
by:

Wt

phase ;w + phase(D(j.w T ))=-a tan{

J+ phase(D(j.wT))
1+="T

Windp0
w ndp0
(5.12)

where the second term is the one illustrated in Figure 5-5.
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This second approach was the one applied in the design of the
experimental prototypes presented in section 4. As shown there the achieved
phase margin is indeed larger than the target goal of 60 degrees, which
allows us to further increase the transition frequency. Alternatively, in
section 5, where we discuss improvements to the design method and
architecture, we present examples of calculated results when applying the
exact phase margin given by Eq. (5.11) for the design.

3.2 Complete amplifier design

The complete amplifier design procedure can be summarized as follows:

1. First the (W/L) or g/Ip value for transistors M., M., and My s selected
and the gain of the current mirrors k, h, m as well as the position of the
non dominant pole Wyqp/Wr are determined with the procedure described
in section 3.1.

2. The lengths and g,/Ip ratios of the transistors of the input stage
transistors and bias current sources are selected.

3. We search for the C; value that minimizes consumption for the required
transition frequency and non dominant pole frequency, applying the g./Ip
method [SIL96] for transistor sizing.

4. We verify whether the bias current of the output stage transistor M,, Ip,,
is enough to be able to source the maximum current demanded by the
load.

This maximum load current is given by:

\Y
I} max =R—°p+V0p.2.1t.fT.C2 (5.13)
2

where V,, is the peak output voltage and R, is the load resistance. Then it
is verified whether:

1 1
ILmax < Isource max — IrefAB km= IDa (E +Ejknl (5 14)

If this relation does not hold for the Ip, determined according to the non
dominant pole frequency, the minimum Ip, value that verifies this relation
is selected.

5. If Ip, was changed in step 4 to comply with the load current
requirements, then the output stage transistors are sized again according
to the new Ip, value.

Some comments about this general design procedure are due here.
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a)

b)

This design procedure is not optimum in the sense that was proposed in
Chapter 4, since it does not take jointly into account the internal and
external slew rates. This procedure will usually lead to an amplifier
whose slew rate is limited by the first stage to a much larger extent than
the limit imposed by the output stage. Therefore, the design can be
further optimized by not "oversizing” the output stage current. We took
care of this aspect in the case of the amplifier for the pacemaker
amplifier. In the other prototype amplifiers, that were planned as general
purpose cells, since we were mostly interested in testing the output stage,
we wanted it to be capable of handling different load configurations and
therefore we preferred not to be "tight" on the current drive capability.

In step 4) the maximum load current is calculated based on requiring the
stage to be capable of delivering a V,, output amplitude at a maximum
frequency of fr. This considers a worst case condition where the
amplifier is applied in a follower configuration and we want to deliver an
output signal without distortion up to the closed loop —3dB frequency,
which is equal to the amplifier fr. In the case of the pacemaker amplifier
we adapted this condition to the application by taking as maximum
frequency the —3dB frequency of the filter, which is 200 Hz.

33 Experimental prototypes

We successfully tested our approach to the design of the class AB output

stage in the following experimental prototypes for 2V operation.

In 2pm FD SOI Technology:

Al: OTA for pacemaker sense channel

A2: OTA for 1MHz transition frequency

A3: OTA for 5 to 10MHz transition frequency

In 0.8ptm Bulk Technology

A4: OTA for 14MHz transition frequency

A5 and A6: OTAs for switched capacitor implementation of the

pacemaker sense channel.

Next, we summarize the resulting design data for amplifiers Al to A4.

Experimental measurement results are presented in the next section.
Amplifiers AS and A6 are described in the next chapter together with the
switched capacitor implementation of the sense channel.
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Table 5-1. Main design data of prototype class AB amplifiers.

Al A2 A3 A4
Target f; (MHz) 0.16 (Note 1)  0.95 5.7 13.8
Load Cap. C, (pF) 50 20 5 5
Load Res. R, (kQ) 6900 10 10 10
Total consumption (LA) 0.083 23 99 99
k 7 8 2 3
h 2 1 2 2
m 3 3 6 7
Emmult 11.5 25 6 11.5
(8/Ip)mult 6.8 11.5 29 6.1
C:(pF) 0.25 1.35 1 0.2
R:(Q) 126,000 418 325 172
Leri (LA) 0.01 0.5 1 1
Lefo (LA) Note 2 0.5 2 5
Max. source current (LA) 0.315 247 312 557
Die area (mm”) 0.030 0.063 0.060 0.010
Minimum transistor length 3 3 2 0.8
used (Um)
Technology FD SOI FD SOI FD SOI Bulk

Note 1.: First order extrapolated fy. The actual fy is smaller, since the amplifier is
not designed to be stable in unity gain configuration, it has the non dominant pole at
20kHz.

Note 2.: in this amplifier there is only one reference current; the output reference
current is internally derived from the input reference current.

Analysis of the design results

It can be seen in Table 5-2 that the proposed method and architecture,
through the increase of the second stage transconductance and reduction of
the compensation capacitance, allows us to apply very high g./I;, ratios,
particularly for the input transistors. This is even the case for amplifiers A3
and A4 which are aimed at transition frequencies of several MHz. Amplifier
Al takes advantage of g,/Ip values (33 and 34 V! close to the maximum
provided by the technology. These high g./I ratios are applied jointly with
extremely low bias currents (a few nA).

Amplifiers A3 and A4 have the same consumption while the transition
frequency of amplifier A4 is much higher. This difference is misleading
since it does not present a fair comparison between both amplifiers. The data
of A3 in Table 5-1 are those coming from the synthesis procedure previously
described, which applies Eq. (5.12) to estimate the phase margin and leads to
a conservative design with a calculated phase margin of 80°. On the contrary
the data for amplifier A4 derive from further modifying the initial design to
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increase the transition frequency. The transition frequency of A3 can be
increased much closer to that of A4, while keeping an acceptable phase
margin, as shown below in the experimental data.

Table 5-2. Transistor sizes, g,/Ip ratios and quiescent bias currents for prototypes Al to A4

Al A2 A3 A4

W g/lp Ip w g/lp Ip w g/lo Ip w g/lp Ip
/L (1/V) (mA) /L vy Ay /L vy (uA) /L (1/V) (uA)

(um) (Lum) (Lm) (m)
M, 41 33 83 280 31 075 126 25 15 245 24 08
/9 /3 /2 /0.8
My, 35 24 83 48 20 03 10 17 15 28 17 08
/ 24 /24 /2 /0.8
M, 2x3 30 274 30 11 99 2x 13 446 48 11 4838
/3 /3 62 /0.8
/2
M, 7x3 30 274 8x 5 99 2x 8 446 72 10 488
/3 3 62 /0.8
/3 /2
M, 3 30 39 3 5 12 62 8 223 24 10 163
/3 /3 /2 /0.8
Mg 3x3 34 39 3x3 14 12 6x3 7 23 14 9 163
/3 /3 /2 /2
M, 3 3 13 3 14 04 62 7 37 2 9 5.4
/3 /3 /2 /2
My 3 30 137 30 11 99 6 13 223 24 11 24.4
/3 /3 /2 /08
Mg 35 25 10 37 18 05 735 18 1 329 1.0
/6 /6 /6 /2.4
Mg 55 25 166 445 18 06 3x 18 3 59 9 1.6
/6 /6 735 /2.4
/6
M, Note - - 3 6 05 5 4 2 7 6 5.0
1 /6 /6 /2.4
My 5 25 15 52 6 103 59 4 26 53x 6 26.5
/6 /6 /6 7
/2.4

Note 1.: Amplifier Al does not use separate current mirrors for the input and
output stages.

In addition, in order to compare amplifiers A3 and A4 on a common
basis, we performed a synthesis starting from the specifications of amplifier
A4 but for a 2um bulk technology, comparable with the 2um FD SOI
technology of amplifier A3. As the determination of the k, h, and m gain
factors does not consider the drain and source parasitic capacitances, only
the gate capacitances, the result in this 2uum Bulk technology is the same as
the result in the SOI technology (k=2, h=2, m=6). However, once these
values are introduced into the amplifier design procedure, in order to be able
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to stabilize the bulk circuit, the m gain factor must be reduced from 6 to 5,
reducing the g,m.: transconductance multiplication factor from 7 to 6. With
this design the resulting total consumption is 245UA, and the calculated
transition frequency and phase margin are 10.5MHz and 58°. This large
increase in current consumption is explained by the decrease of the
transconductance multiplication effect. The gunmu: factor was 11.5 in the
0.8um bulk technology while only reaches 6 in the 2 um bulk process. The
increased parasitic capacitances in bulk with respect to SOI makes that the
phase margin achievable in 2 um bulk is much smaller than in 2 pm SOI,
while the consumption increases from 99uA to 245uA.

The comparison of the A3 and A4 amplifiers and the impact of the
difference of the minimal channel length in the bulk and SOI processes used
will be further discussed hereunder, when the experimental data is presented.

Statistical simulation

Table 5-1 presents design data based on nominal process parameters. We
now consider the effect of the fabrication spreads. This is done in the case of
the 0.8 um Bulk industrial process, where statistical data, provided by the
foundry, are available. The results of a Monte Carlo simulation with 100
runs of amplifier A4 are shown in Table 5-3. The simulation conditions are
2V power supply, 0.7uA input stage bias current L.s, SLA output stage bias
current I, SpF load capacitance and 100k< load resistor.

Table 5-3. Results of statistical simulation of amplifier A4.

Nominal value Standard deviation
Transition frequency (MHz) 13.2 14
Phase margin (°) 71 42
Quiescent supply current (WA) 95 14

It must be taken into account that these results are pessimistic as
explained hereunder. In this simulation, some of the model parameters are
randomly varied for each transistor. The tolerances applied might be
representative for a random couple of transistors in the circuit, but they are
not in the case of transistors with a layout intended to preserve their
matching. This is verified in a Monte Carlo simulation of the output stage
current mirrors Mg — M, and M, — My, which use minimum length transistors.
When these mirrors are simulated with the same bias current as in the final
design and equal source to drain voltage at both sides of the mirror (i.e.
letting aside the systematic error due to the finite output impedance), the
standard deviation of the relative current error ranges from 7.7% for mirror
M. -M, to 32% for mirror M, — M;. These errors are too high, even for
minimum length transistors, if the layout complies with basic matching
rules. The pessimistic nature of these simulations is also shown by the results
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of the application of the Pelgrom matching model with typical matching
parameters.

The spreads in transition frequency and phase margin achieved are,
nevertheless, acceptable for most applications. Moreover, in spite of the
pessimistic predictions of current mirror matching, which lead to a high
spread in the quiescent current, the correct operation of the amplifier and its
class AB output stage are maintained.

Die Area in SOI and Bulk

The similar characteristics of experimental prototypes of amplifier A3
and A4 allow us to consider them in order to compare SOI and Bulk
technologies regarding the resulting die area. Table 5-4 provides data for this
comparison. In the case of amplifier A3, the first row of Table 5-4 provides
the actual die area as well as the die area scaled by the ratio of the square of
the feature sizes of the processes applied in A4 and A3 (i.e. by (0.8/2)%). Two
die areas of amplifier A4 are provided, the first one is the die area of the
fabricated amplifier, the second one, under the column "compact layout"
refers to the die area resulting from a different floorplan, which leads to a
more compact layout. From these data, we can conclude that both
technologies lead to comparable die areas. As can be seen from Table 5-2,
higher W/L ratios are sometimes applied in SOI, particularly in transistors
operating in moderate and weak inversion. However, this increase in the gate
area of transistors is approximately compensated by the higher area overhead
of Bulk, due to the well used to implement complementary transistors on a
common substrate and the need for contacts to the substrate or well. These
compensating effects are evidenced in the data of the second and third rows
of Table 5-4. The second row shows the sum of the gate area of the
transistors (sum of the W.L products). The third row presents an indicator
intended to compare the area overhead in both technologies. To evaluate this
overhead the total area minus the area occupied by the compensation
capacitor and resistor (C; and Ry) is compared to the total transistor gate area.
The results show that as discussed above, the approximately equal total die
areas in Bulk and SOI for same process node, stem from the balance
between a lower area overhead and a higher transistor gate area in SOI with
respect to Bulk.
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Table 5-4. Die area data for amplifiers A3 and A4.

A3 A3 A4 A4
Fabricated  Scaled by (0.8/2)*  Fabricated Compact Layout
Die Area (um?) 60000 9600 10132 7980
Transistor Gate Area 3596 575 338 338
(Z WL, um?)
(Die area — Cy, Ryarea)/ 14.5 14.5 29.6 23

Transistor Gate Area

Perspectives for scaled technologies

In order to assess the perspectives of the proposed architecture with
scaling, the following estimation was done. We started from design A3 and
synthesized it again with the process data of a 0.25um FD SOI process
[RAY98]. We kept the same length as in the original design for all
transistors, in order to preserve the gain, except for transistors M, and My
which were taken with 2 um width and minimum length (0.25um drawn,
0.16um effective) in order to improve the frequency response of this current
mirror. This improvement in the current mirror frequency response allowed
to increase the m factor from 6 to 10, with the consequent increase in the
transconductance multiplication factor and current drive that allows us to
reduce consumption. The calculated results predict a transition frequency of
12.7 MHz with 74° phase margin and 94 dB of open loop gain with a purely
capacitive load of 5pF, while the consumption was reduced from 99UA in
the 2 um process down to 64 A in the 0.25 um. It must be pointed out that
this is the result of a redesign of a 2um design, not a design completely
optimized for the 0.25um process, in which case larger improvements might
still be achievable.

4. EXPERIMENTAL RESULTS

4.1 Test Setups

Some of the test setups we applied are shown in Figure 5-7. The setup
shown in Figure 5-7 a), applied in [LAN99], enables the direct measurement
of the open loop high frequency response with a network analyzer (HP 4195
in our case). For low frequency gain measurements both the setups of Figure
5-7 b) and c) were applied with the HP 3563A low frequency analyzer.
These setups were applied with a buffer implemented with a J-FET input
TLO71 commercial op amp when measurements without load resistor were
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required. The circuit of Figure 5-7 ¢) is a classical circuit for measuring the
open loop gain of op amps that multiplies the small input signal to be
measured by (1+R3/R4).

For settling time and frequency response measurements in amplifiers A3
and A4, an active probe with 2pF input capacitance was applied.

C1

Q-J;{»I—_ a)

R1 R2

) TO NETWORK ANALYZER
FROMNETWORK ANALYZER  [—, >—D
.

DUT

TO LOW FREQUENCY ANALYZER
FROM LOW FREQUENCY ANALYZER |_:>

C>—nr—

R1

b)

+—

TO LOW FREQUENCY ANALYZER

TO LOW FREQUENCY ANALYZER
FROM LOW FREQUENCY ANALYZER l_D

——nr—

R1 R2 C)
R3

DuT TO LOW FREQUENCY ANALYZER

Figure 5-7. Test setups a) for transition frequency and phase margin measurements; b) and c)
for low frequency gain measurements.

4.2 Measurement Data of the Amplifiers

Next, we will present the complete characterization data of amplifier A3.
Then we will summarize the main results for amplifiers Al, A2 and A4.
Amplifiers A1, AS and A6 will be further discussed in the next chapter in the
framework of their application to the pacemaker sense channel.

Amplifier A3 was chosen to discuss characterization data in detail since
their specifications are easily comparable with those of other published
amplifiers, and this amplifier is more representative of general purpose op
amps than, for example, amplifier A1 whose design is very specific to the
intended application.
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5 MHz FD SOI Amplifier

Table 5-5 compares the characteristics of amplifier A3 that result from

calculation with MATLAB, simulation with SPICE and measurements.

Table 5-5. Measured characteristics of A3 amplifier.

Calculation Simulation Measurement Notes

fr (MHz) 59 6.0 5.7 C,=8pF
PM(°) 80 75 68 C,=8pF
Ay (dB) @ R2=c- 98 92 87.4 C,=8pF
Ay (dB) @ R2=10kQ2 74 66 C,=8pF
Ippg (LA) 99 102 106 C,=8pF
SR (output rise, V/us) 3 1.6 1, C,=10pF
SR (output fall, V/us) 3 4.0 1, C,=10pF
Total Settling time rise (ns), 5% 305 311 2, C,=10pF
Total Settling time rise (ns), 1% 339 502 2,4, C,=10pF
Total Settling time fall (ns), 5% 144 243 2,3, C=10pF
Total Settling time fall (ns), 1% 177 480 2,3,4,
C,=10pF

Input Common Mode Range VSS+0.05V / VTn=0.52V,

VDD-0.7V | Vip|=0.62V
Output swing VSS+0.13v/

VDD-0.23V
Minimum VDD (V) 1.5 5
Offset (mV) 22 6
THD(dB) -64 Vo=1.2Vpp, 7
THD(dB) -61 Vo=1.4Vpp, 7
THD(dB) -29 Vo=1.5Vpp, 7

Notes:

In all measurements, the output stage reference current is set to 1.65U1A instead

of the 2uA design value to take into account the error in current mirror factors (see
discussion below). Unless otherwise noted the supply voltage is 2V.

1.
2.

The calculation value of the SR corresponds to the ideal value of 2*Ip,/C;

The calculation value of settling times has taken into account the measured
values of SR (1.6V/us rise and 4.0V/us fall), fr (5.6MHz) and PM (64°) in the
same load configuration as in the settling measurement. The amplifier is in
follower configuration and the input step has 0.5V amplitude.

Fall settling much more oscillatory, see analysis below.

Measurements at 1% are much less reliable because the error to be measured is
close to the oscilloscope quantization step.

. Criterion to define minimum Vpp: value that makes the transition frequency

change by 10%. The limitation is set by the biasing transistors gate-source
voltage. This value can be lowered by resizing these transistors.

Measured in follower configuration when the settling measurement was taken.
Input frequency: 10kHz, closed loop gain: -1, Vpp=2V.
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a)

b)

Amplitude (dB)

c)

Let us discuss these results.

The application of minimum sized transistors in the output stage current
mirrors to favor frequency response leads to noticeable errors in the copy
factors due to mismatching. These errors gave a higher output stage
current when the design value of the reference current was used (total
current of 120uA instead of the approximately 100pA resulting from
simulation and calculations). The output stage reference current (I s, in
Figure 5-6) applied during the measurements was adjusted so that the
measured total current was equal to the calculated total current.

The measured open loop gain for the result shown in Table 5-5 is plotted
in Figure 5-8. A small change of slope of the open loop gain amplitude is
visible at the low frequency end of this plot. This is an effect introduced
by the test setup of Figure 5-7 a), because at this frequency the
impedance of C; is no longer negligible.
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Figure 5-8. Measured open loop gain amplitude and phase of amplifier A3.

As described above, the procedure applied to calculate k, h, m and the
non dominant pole position, which was based on the approximate phase
margin expression of Eq. (5.12), leads to a design with increased phase
margin. The measured phase margin was a bit smaller, probably due to
the phase margin dependence on the parasitic and load capacitances
which are not precisely known. Nevertheless, the measured phase margin
(68°) still makes it possible to further increase the transition frequency
with acceptable stability. This was experimentally done by changing the
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input stage reference current (I.;; in Figure 5-6). The result is shown in
Figure 5-9. The total consumption changes very little between the
amplifiers plotted in Figure 5-9, since the input stage current is a small
percentage of the total consumption. Only an increase of 4lLA is required
to have a transition frequency of 9.9MHz with 50° phase margin.

80

70 A

60 -

50 |

40 -

PM (deg)

30 -

20

Figure 5-9. Phase margin (PM) vs. transition frequency of amplifier A3, while varying the
input stage reference current.

d) The difference between the actual slew rate and the value calculated with
the theoretical expression is also noticeable in simulations and is mainly
due to the effect of the parasitic capacitance at the sources of the input
stage transistors. This capacitance is in parallel with the "tail" current
source of the input differential pair. Depending on the slope of the step,
the current through this capacitor either adds or subtracts to the current of
the source that determines the slew rate.

e) The rise and fall settlings measured under the conditions of Table 5-5 are
shown in Figure 5-10 and Figure 5-11. The fall settling is too oscillatory
for high and medium amplitude output steps. This is a consequence of the
turn on delay of the current mirrors. A simple modification of the circuit
architecture that improves this behavior is discussed below in Section 5.
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Figure 5-10. Rise settling of A3 in the conditions of Table 5-5
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Figure 5-11. Fall settling behavior of A3 in the conditions of Table 5-5

f) The amplifier features very good voltage ranges and the minimum
measured supply voltage for 10% change in the transition frequency was
1.5V. This is not the ultimate low voltage achievable by this amplifier,
since in this case the limitation was due to the output stage bias current
mirror My and M, (see schematic diagram in Figure 5-6). This limit can
be extended by biasing these transistors in weaker inversion. Furthermore,
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these results correspond to an FD SOI wafer initially intended for high
temperature operation, with n and p threshold voltages around 0.5V and
0.6V. The results would be further improved in lower voltage FD SOI
processes that have threshold voltages around 0.3 to 0.4V.

2) An example of the measured spectrum for determination of the total
harmonic distortion is shown in Figure 5-12.
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Figure 5-12. Measured spectrum for determination of total harmonic distortion of amplifier
A3, in inverting amplifier configuration with gain -1, 1.4V, output voltage.

This result agrees with what can be analytically estimated as follows. We
consider the main source of harmonic distortion is the asymmetry of the
output stage. In the closed loop gain (A.) expression of Eq. (5.1), we
introduce the effect of the output stage asymmetry as a change in the
second stage gain A,, which we will represent as an average value A,,,
multiplied by a variation term (1+0A,) Then the relative closed loop gain
error is given by:

!Acl —ACIaV — |8A2| (5.15)

| Agy | 1+ALAL(1+3A,)B

where A, is the closed loop gain when the second stage gain equals the
average value A,,,.

The main contribution to the variation dA; is the variation in the output
stage transconductance, which is shown in Figure 5-13 and is related to
the gmmur factor. The maximum of the error given by Eq. (5.15) occurs
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when the A, gain is minimum. From Figure 5-13, the minimum A, gain
corresponds to 8A, (which is given by the relative deviation of the output
stage transconductance from its average value) equal to -0.7. Evaluating
Eq. (5.15) in this case, with A,.A,,, equal to the measured open loop gain
(87.4dB) and P equal to one (in order to compare with the distortion that
was measured in unity gain configuration), the maximum relative error
equals to —69dB, which is close to the measured distortion.
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Figure 5-13. Simulated output transistor currents I; (pMOS, triangle symbols) and I, (nMOS,
square symbols) and output stage transconductance (solid line) vs. output current. The
average transconductance, defined as the average between the maximum and minimum value,
is also shown (dashed line).

Other Experimental Prototypes

Table 5-6, Table 5-7 and Table 5-8 summarize the measurement results

for amplifiers A1, A2 and A4.

Amplifier A2, as amplifier A3 did, shows an important deviation between
predicted and measured total quiescent current. Through measurements of
the total quiescent current as a function of the reference currents, it was
verified that the origin of this difference is in the second stage current. This
difference is attributed to variations in the current mirrors gain. Amplifiers
A2 and A4 present, as amplifier A3 did, differences between the predicted
and measured phase margin. These results suggest that the influence of
parasitic capacitances and current mirror gains in the phase margin require to
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work with increased design margins. Letting aside these differences the
amplifiers have good performance.

Table 5-6. Calculated vs. measured results for amplifier Al at 2V supply voltage and 10nA
reference current.

Calculated Measured
fr10ra (KHZ) 178 187
foap (kHz) @ C, =32 pF 39 35
Ay (dB) 120 >80
Ipp (nA) 83 89.5
Voffset (mV) 8.6

Table 5-7. Calculated vs. measured results for amplifier A2 for different reference current
settings, 2V supply voltage and 22pF load capacitance.

Bias Currents L, Lo L= 0.51A, Ler=0.5LA, L= 1.0pA,
Lero = 0.50A Lero=0.3351A I =0.335pA
Calculated Measured  Measured Measured

fr (MHz) 0.76 0.78 0.77 14

PM (®) 68 58 50 50

Ag (dB) 122 - 92 -

Ipp (MA) 23 34 23.1 243

THD (dB) @ Vo=1.6Vpp, -59

10kHz, -1 closed loop gain

THD (dB) @ Vo=1.8Vpp, -50

10kHz, -1 closed loop gain

Table 5-8. Calculated vs. measured results for amplifier A4 for different reference current
settings, 2V supply voltage and 5.5 pF load capacitance.

Bias Currents Lg , Leto L= 1.0nA, Leri=0.7pA, L =5.0uA
Lero = 5.0UA
Calculated Measured  Calculated Measured

fr (MHz) 14.4 13 10.4 10.5

PM () 74 48 74 55

Ay (dB) 81 70 82 -

Ipp (LA) 103 96 102 95

THD (dB) @Vo = 1.3Vpp, -49

10kHz, -1 closed loop gain

In order to better compare amplifiers A3 (fabricated in a 2 um FD SOI
process) and A4 (fabricated in a 0.8 pwm bulk process), Figure 5-14 plots the
measured phase margin versus transition frequency for amplifier A3
(previously plotted in Figure 5-9) together with those measured for amplifier
A4. The total currents are approximately equal in both cases. Figure 5-14
shows an advantage for amplifier A4, but a small one, not as big as the initial
design data of Table 5-1 suggested, since as already mentioned, these data
corresponded to different phase margin conditions. The advantage for
amplifier A4 with respect to A3, can be in part traced to a similar difference
between their technologies (0.8um bulk and 2um SOI) in terms of parasitic
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capacitances. Evaluating the parasitic capacitance that sets a current mirror
frequency response, for the case of a mirror implemented with 2pum/2um
transistors in the SOI technology and a mirror implemented with
2um/0.8um transistors in the Bulk technology (where 2um is the minimum
width allowed by the design rules), we have a ratio of 1.15 the 2um FD SOI
capacitance over the 0.8um Bulk capacitance. On the other hand, the A3
amplifier in FD SOI still outperforms the A4 amplifier in terms of gain,
input common mode range and distortion.

80

70 4

Figure 5-14. Phase margin (PM) vs. transition frequency of amplifier A3 (solid line) at 8pF
load capacitance and amplifier A4 (dashed line) at 7.3pF load capacitance, while varying the
input stage reference current.

Table 5-9 summarizes the calculated and measured data of amplifiers A3,
A4 and the redesign of amplifier A4 for 2um Bulk technology.
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Table 5-9. Comparison of amplifiers A3, A4 and redesign of A4 for 2 um bulk.

Amplifier A3 A4 A4
Technology 2 um FD SOI 0.8 wm Bulk 2.0 um Bulk
Bias Currents (LA) 20/20 2.0/1.65 07/50 1.0/5.0
Ireﬁ/ Irefo
C,(pF) 8 8 5.5 5.5 5.5
Calculated Measured Calculated Measured Calculated
fr (MHz) 10.5 9.9 104 10.5 104
PM (°) 74 50 74 55 57
Ay (dB) 96 87 (Note 1) 82 70 90
Ipp (UA) 99 110 102 95 243
Input Common Mode 0.07/123 -/ >1.25 0.15/1.15 - 0.09/1.05
Range (V) (Note 2) (Note 1, 2)
0.15/1.51
(Note 3)
THD (dB) @ - -64 @ 1.2, - 49e@l13 -
Vopp, f = 10kHz, -6l @14

closed loop gain —1.

Note 1: Measured at L. 1.01A that corresponds to 5.7 MHz transition frequency.
Note 2: Measured and calculated for a process with Vg, = 0.52V and Vg, = 0.62V
Note 3: Calculated for a process with Vg, = 0.4V and Vo, = 0.4V

4.3 Comparison with other published results

In Table 5-10 and Table 5-11, amplifiers A2 and A3 are compared with
published results of amplifiers with similar bandwidth.

We will briefly describe these amplifiers in order to later evaluate the
comparison results. The amplifiers compared with A2 are: an amplifier for a
switched capacitor circuit which applies the same class AB output stage, but
without exploiting the transconductance multiplication effect that we have
proposed [VER96], a four stage amplifier with nested G,,-C compensation
[YOU97] and an amplifier with rail to rail input and class AB output stage
[FER97].

The amplifiers compared with A3 are: a general purpose amplifier with
rail-to-rail input [GRI97] and two amplifiers with class AB output stages, the
first one with a standard input stage and the second one with a rail-to-rail
input stage [LAN97].

The last three rows of these tables include the figures of merit discussed
in Chapter 4. In analyzing the last row, which considers the theoretical limit
for power consumption, it must be taken into account that only the quiescent
current of the amplifier is considered, the power delivered to the load and the
output stage efficiency are not considered. This index is provided as an
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additional element to compare the amplifiers, but is a partial comparison
element. For example as the noise power is proportional to the bandwidth
considered, which we reckoned to be fr, the denominator of this index, equal
to 8kTfr.S/N, is independent of fr. This explains why it gives similar values
for amplifier A3 and the amplifiers presented in reference [LAN97], while
these ones consume more and have a smaller bandwidth.

Table 5-10. Comparison of amplifier A2 with other published amplifiers for similar transition
frequency.

A2 vl A2 v2 [VER96] [YOU97]  [FER97]
Technology SOI3um  SOI3um  SOI2.4pum Bulk2pum  Bulk 0.7um
Supply voltage (V) 2 2 10 2 1.5
Quiescent supply 24 34 60 700 307
current ([LA)
Load resistance / 10k/22p 10k/22p 50p 10k/20p 15p
capacitance
DC gain (dB) 76 (10k2) 76 (10kQ) 100 (oo) 100 (10k) 84 (o0)
(@ load resistor) 92 (o) 92 (o)
Transition frequency 1.4 0.78 1.2 1 1.3
(MHz)
Phase margin (°) 50 58 60 58 64
Equivalent input noise 35 47 n/a n/a 25
(nVANHz) (Note 1)  (Note 1)
Output swing 1.8 1.8 n/a 1.0 09
(Vpp @ THD (dB) ) (@ -50) (@ -50) (@ -70) (@ -40)
GHz/W 17 11.5 2 0.7 2.8
GHz.pF/'W 374 253 100 14 42
Quiescent supply 6.9 17.6 n/a n/a 134
power / (8§ kT .£1.S/N)

Note 1: Input noise estimated as thermal noise of input stage.

These comparisons show the advantage of the proposed architecture for
low-power applications, especially in terms of significantly increased
frequency/power (GHz/Watt) and (GHz.pF/Watt) ratios. The proposed
architecture has lower, though acceptable, DC gain due to the low load
resistances considered, but their gain significantly rises when considered
with a purely capacitive load, as is the case in switched capacitor circuits.

A small part of the higher consumption in some of the compared
amplifiers can be explained by the rail to rail input stage ([FER97], [GRI97]
and [LAN97], second amplifier). Nevertheless, this is not sufficient to
explain the more than 10 times increase of consumption as shown by
amplifiers of references [FER97] and [GRI97]. Moreover, the increased
input common mode range available in SOI might allow to apply an standard
input stage in an application that otherwise would require a rail to rail input.
An additional, larger, part of the increased consumption might come from
the application of complex class AB or multistage structures in order to be
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able to achieve high gain with low load resistors ([YOU97], [GRI97] and
[LAN97]). This is in fact one of the motivations of our architecture, to suit
applications where a large current drive is not needed and minimum
consumption is an essential feature. The final advantage to our amplifiers is
given by the joint effects of a power conscious design, the transconductance
multiplication principle and the advantages of SOI technology.

Table 5-11. Comparison of amplifier A3 with other published amplifiers for similar transition
frequency.

A3 [GRI97] [LAN97] [LAN97]
Technology SOI 2pum BiCMOS  Bulk 1.6um  Bulk 1.6pm
Supply voltage (V) 2 1 1.8 1.8
Quiescent supply current (LA) 105 1200 180 221
Load resistance / capacitance 10kQ/8pF 10kQ 10kQ/5pF 10kQ/SpF
DC gain (dB) 66 (10k€2) 110 (600€2) 88 (10k€2) 90 (10k€)
(@ load resistor) 87 (o)
Transition frequency (MHz) 7.6 4 5 5.8
PM (deg) 60 60 62 57
Equivalent input noise (mVANHz) 375 35 30 30

(Note 1)
Output Swing (Vpp) 1.4 0.9 14 1.4
GHz/Watt 36 3.8 15.4 14.6
GHz*pF/Watt 288 - 77 73
Quiescent supply power / 57 1374 56 69

(8.kT.£1.S/N)

Note 1: Input noise estimated as thermal noise of input stage.

S. IMPROVEMENTS OF DESIGN METHOD AND
ARCHITECTURE

5.1 Settling behavior

The main deficiency of the architecture in a general application case is
the fact that the minimum current in the output branches is not fixed. This is
particularly problematic in the p —side since there we have a current mirror
"chain" that leads to an important turn-on delay with the consequence of
oscillatory settling when a large amplitude step is applied.

Referring to the circuit of Figure 5-4 b), the problem arises when the
current through M; reaches the [.ap value, cutting off transistor M.. Various
approaches were investigated to solve this problem. Some of them tried to
limit the current that is taken from the L.ap source by the My branch. They
were based on applying a circuit in series with Mg that gives as output the
maximum between the current through M; and a reference current; or
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limiting the current through M; by inserting a transistor between the source
of My and ground that is normally in the linear region and saturates to a
maximum allowable current. The main difficulty is to solve the problem
without jeopardizing the good frequency, power and supply voltage
characteristics of the circuit. The final solution came from adapting a
clamping circuit proposed in [CAS92] for avoiding cut-off of the output
stage devices in buffer amplifiers. The circuit with transistors M;;, M5, M;3
and current source I, is added to the junction of M, and M; as shown in
Figure 5-15. The bias circuit formed by Iy, Mj; and My; is so designed that
in normal conditions the current through M, is negligible. When M;
conducts heavily during a transient, M;; limits how low the gate-source
voltage of M. gets. In the design of the circuit there is a compromise
between settling improvement and loss of performance (consumption, gain,
frequency) of the output stage.

Ibias
81
1\/[12 M11 b o refAB
M

Figure 5-15. Class AB stage modification to limit cut-off of the current mirrors and improve
the settling behavior in a falling step.

Figure 5-16 shows a simulation of amplifier A3 with its output stage
modified with this circuit where M;;, Mj; and My; are all taken of small size
(Bum/2um) to favor frequency operation and I, is 3uA. The behavior
during a falling step of the output voltage and gate-source voltage of M, are
shown, comparing the simulation of the original and modified designs. In the
new circuit, the simulated total current consumption increases from the
original 96uA to 108[LA, while the transition frequency remains unchanged,
the phase margin decreases from 70° to 66° and the DC gain decreases from
89 dB to 85 dB. These results, which could be further optimized by changing
the sizing of the rest of the stage, show how this simple modification keeps
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the essential advantages of the proposed stage, while improving the settling
behavior.

The main price paid for the improvement in the settling behavior is that
now the minimum supply voltage of the stage is two gate-source voltage
(Vgs) plus one drain saturation voltage (Vpgar) instead of the original Vgs +
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Figure 5-16. Simulation of original A3 design (light lines) and design modified according to
Figure 5-15 (dark lines).

5.2 Exact calculation of the phase margin

Some improvements to the design method have been discussed
previously. The first one is to apply the more exact expression of the phase
margin given by Eq. (5.11) in the determination of k, h, m. Table 5-12
compares the results obtained applying this improved method to the results
of the original design of amplifier A3. It is shown that the quiescent
consumption can be further reduced with respect to the class A case.

In the case of amplifier A1, we could further reduce the current mirrors
pole frequencies, by taking into account that the final design non dominant
pole frequency is lower than the transition frequency and that a large safety
margin was taken since the non dominant pole was specified 2 decades
above the high -3dB frequency of the pacemaker filter (at 20kHz). The
resulting values in this less conservative design are: k=16, h=2, m=4, which
lead to a total consumption of 40nA, instead of the original 83nA.
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Other alternatives to further improve the design method are to apply a
more exact model of the current mirror poles (e.g. by considering Eq. (5.10))
and applying the optimization procedure for a given total settling time
presented in Chapter 4.

Table 5-12. Comparison of design of amplifier A3 based on determination of the phase
margin with Eq. (5.11) and Eq. (5.12)).

Using Eq. (5.12) for PM estimation Using Eq. (5.11) for PM estimation.
(as applied in experimental prototype)

k 2 2
h 2 5
m 6 9
Wndp()/WT 3.6 2.2
Smmult 6.1 3.5
(8w/Tp)mure 2.9 2.6
1a/1ap 1.5 2

6. CONCLUSIONS

A new design approach for the design of a class AB output stage suitable
for micropower and low voltage operation has been presented. The principle
of transconductance multiplication allows us to reduce consumption with
respect to an equivalent class A stage in a factor of 1.5 up to 4.

The comparison with other recently reported amplifiers show the
advantages of this approach when power consumption is a primary concern.
The advantages of SOI technology allowed us to reach comparable
frequency behavior for the same total consumption in an amplifier in 2 pm
SOI technology and an amplifier in a 0.8um bulk technology, while the gain,
distortion and input common mode range were improved in the SOI case.

The requirements for the OTA of the pacemaker sense channel are
satisfied in an experimental prototype with a total quiescent current of 83nA.
This consumption could be further reduced to 40nA in a design based on an
exact calculation of the amplifier phase margin.
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Implementation of Pacemaker Sense Circuits

This chapter describes the design of pacemaker sense circuits, taking
advantage of various techniques and ideas developed in this book. Two
experimental realizations are presented. First we describe a switched
capacitor (SC) design of the sense channel filter / amplifier in 0.8um Bulk
technology. Then, we present the continuous time implementation in FD SOI
technology, applying the general architecture described in Chapter 2
[SILO21].

1. SWITCHED CAPACITOR FILTER / AMPLIFIER
IMPLEMENTATION

The motivations for the design of this SC version of sense channel
filter/amplifier are twofold. On the one hand, we seek to test the application
of the class AB amplifier architecture studied in Chapter 5 to a switched
capacitor circuit. On the other hand, we want to explore the trade-offs
involved in a switched capacitor implementation of this kind of circuit.
Specifically, we discuss the difficulties encountered due to the high gain
required and the design criteria adopted to overcome these difficulties, while
reducing power consumption.

A first comment is due on the issue of the switches operation at 2V. As
discussed in Chapter 3, in standard bulk technologies, it is not possible to
have switches that operate with low resistance in the whole range of a 2 V
power supply. This is indeed the case for supply voltages below 2.8V in the
0.8um process used here, considering the nominal threshold voltage values.
This problem is usually circumvented either boosting the clock signal
voltages above Vpp or applying the switched op amp technique [CRO94] as
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is done in the switched capacitor based sense channel presented in
[GERO12]. Nevertheless, if we keep the overall sense channel architecture
discussed in Chapters 1 and 2, where we apply, as quiescent DC voltage for
the filter and amplifier, 7/32 of Vpp, most of the switches operate outside of
the "gap" in the switch conductance. The problem remains for some of the
switches connected to the output of the filter if we want the output to be able
to swing across the half Vpp range, as happened in the original design. This
can be solved by reducing the output range and then programming the
detection thresholds by a combination between the D/A values and the gain
of the filter, which can be easily programmed in a switched capacitor
implementation. This is in fact the approach taken in reference [LENO1] and
the one we will assume here.

The consumption of a switched capacitor circuit is directly related to the
consumption of their operational amplifiers, which is determined by the
required transition frequency. We will now summarize the criteria to fix the
transition frequency of the operational amplifiers. Classical works on this
issue ([TEMS80, MARS81, GRES6]) derive the expression of the error due to
finite gain-bandwidth in a general case, but they focus on simplified
expressions for the derivation of design criteria. These simplified
expressions do not apply when the stage is intended to provide voltage gain.
Therefore, the popular rule of setting the amplifier transition frequency to be
five times the clock frequency ((MARS81, GRE86]) applies for "pure" filters
with unity gain in the pass band. However, it does not apply in some of the
amplifiers of the kind of circuits we are considering, which are intended to
provide high gain together with the filtering function.

We will illustrate this by considering the inverting integrator of Figure 6-
1, which will be providing the gain in our biquad filter. We will consider that
the ideal frequency response of the filter Hi(eiWT), with T the clock period
and w the angular frequency, is related to the real frequency response
H(e™") by:

H, (e JWT )

He™ )= 1= m(w)—jB(w)

(6.1)

The effect of the finite amplifier bandwidth (represented in the following
equations by wr, the transition angular frequency), leads to the following
error factors [GRES6]:
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m(w)=—e ¥ [1-k.cos(wT)]

O(w) = —e * k.sin(wT) (6.2)
k= 1 N kl :k.WT.T/2
¢
1+—
C,
c2
]L
1
Vin 1 c1 1

Figure 6-1. Inverting SC integrator for analysis of influence of finite op amp bandwidth.

Let us analyze these expressions. We are usually interested in the
behavior of the filter for frequencies much smaller than the clock frequency,
i.e. the product w.T is much smaller than one. Then, sin(w.T) is small. On
the other hand, the gain in the integrator of Figure 6-1, as well as in the
biquad implemented with this integrator, is proportional to C,/C,. Hence, if
we aim at a filter with high gain (in the pacemaker sense channel we need an
in band gain in the 600 to 700 range), the factor k defined above will be
small. In this case the error term 6(w) will be negligible and the error m(w)
will be given by:

m(w) = — X (6.3)

As wr appears in this expression multiplied by k, an increase on the gain
requires an equal increase of the transition frequency to keep a constant
error. This is in fact a consequence of the constant gain bandwidth product
of a closed loop amplifier. If we aim at 1% error (m(w) = 0.01), with a gain
of 600, this requires k; to be 4.6 and the transition frequency must relate to
the clock frequency fcix by:

k
fr =—fox = ’1;—1(1 + ((:3_1

f =880.f m 6.4
= ) CLK CLK (6.4)

2
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If we add this to the fact that the clock frequency must be much larger
than the signal bandwidth to ease the anti alias filter design, we get to an
extremely inefficient situation. This imposes the need for implementing the
gain in several stages to optimize this gain-bandwidth trade off, a well
known strategy in analog circuit design. To share the gain in several stages
also helps in decreasing the capacitor spread required to implement the
circuit. On the other hand to have more than one gain stage brings up the
issues of either decoupling the DC component between them or
compensating the offset of the stages.

The implemented SC filter-amplifier is based on a low Q biquad structure
[GRES6], followed by a second gain stage [MARS87, JOH97], as shown in
Figure 6-2. The capacitor values are listed in Table 6-1. Both stages have
offset compensation. In the biquad it is implemented through capacitor CI2.
In the second stage through Ca2 that besides implementing the gain factor,
samples the offset value during @1, while Ca3 keeps the op amp in closed
loop. The in-band gain was shared by assigning a gain of 10 to the second
stage and the rest (equal to 61) to the biquad.

$2
= ¢2
$1
_. c»—/———“l %
£ 7 1 1" II Ca2
Cda1 (M' | H
:: 2
$2 cb Cdg2

-— I—-o il
I $2  ¢2 Cat “DPS

¢1 1] = .__/_Vgut
Vin $2 Cip ciz oP2 ‘I‘-i>_‘
0—/j—"—0—| ¢1 ¢1 -
L1 \#

Figure 6-2. Schematic diagram of pacemaker sense channel SC filter/amplifier.
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Table 6-1. Capacitor values in pF.

C2,C4, C3 Clp Ca Cb,CI2 Cal Cdgl, Cdg2  Total
Ca2, Ca3 Capacitance

1 225 61 6625 5.5 10 0.25 155

Additional measures taken to reduce consumption were the following:

a) The biquad structure was organized so that OP1 and OP2 settled in
different clock phases. The results previously described for the influence
of the amplifier fr assumed that the input of the stage was a sample and
held signal, which would not be the case if the amplifiers were obliged to
settle in cascade during the same clock phase.

b) In the gain stage, that will be the one handling the bigger signals, the
applied structure, besides compensating offset, has the additional benefit
of keeping the output from going to zero in any of the phases. This is due
to the action of Ca3 that samples the output voltage during ®1 and
maintains it during ®2. This helps to reduce consumption by much
reducing the slew rate requirement on OP3. This effect is reinforced by
the presence of the "deglitching" capacitors ((MAT87, JOH97]) Cdgl and
Cdg?2 that keep the op. amps. fedback during the non overlapping period
of the clock phases, thus avoiding output glitches.

The clock frequency was chosen so that a simple first order passive RC
circuit with low precision, feasible in integrated form, would be sufficient as
antialias filter. It was taken at 10kHz, i.e. 50 times the band edge of 200Hz.
For this clock frequency, the analysis of the influence of the op amp
bandwidth with expressions as the ones described above, for 1 % error, leads
to a requirement of an fr of at least 150kHz for OP2. For amplifier OP1, an
fr of only about 1kHz is required, in the final design a value much higher
than this (40kHz) was applied. Slew rate is not a limiting factor in this case
due to the measures taken at the architectural level.

The same amplifier cell as the one applied for OP2 was applied for OP3,
trading off a small consumption reduction for reduced design time.

The amplifiers were designed with the architecture presented in Chapter
5.

The theoretical consumption of amplifier OP2 is 400nA and for amplifier
OP1 it is 190nA, giving a total consumption of 990nA. The measured
consumption was 1.4uA. This large deviation is explained because the
mirrors that copy the reference current of the class AB output stage from the
bias current reference are not made based on unitary transistors but with, for
example in the case of amplifier OP2, transistors of sizes 2um / 20um and
7.7 um / 20um. The influence of the effective width was taken into account
during the design, but there is another effect that is equally important: the
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variation of threshold voltage with the transistor width. In this process the
typical threshold voltage decreases by 30mV from a 2/20 transistor to a
20/20 transistor. Such a change in threshold voltage, in weak inversion is
translated to a change in current of:

AVyg
Al =e™Ur (6.5)

which corresponds to a doubling of the current for AVy of 30mV, n
equal to 1.5 and 26mV room temperature Ur. In our case, though the change
in transistor width is smaller a 13mV change in Vyy is enough for explaining
the measured change in quiescent current. This difference can be easily
corrected by copying the current with multiple parallel unitary transistors.

Figure 6-3 plots the measured frequency responses at 2V together with
the ideal target response. The result of a Switcap simulation is coincident
with the ideal target response. The measured frequency response at 2.8V is
practically identical to the 2V response.

To finish, we will compare this circuit to other switched capacitor
implementations of pacemaker sense channel found in the literature. We will
consider for the comparison the theoretical consumption value of 1pA, since
the deviation in the measured current can be corrected using multiple unitary
transistors for the bias current mirror layout.

In references [GERO12] and [LENO1] results are presented for
pacemaker sense channels based on SC circuits, both also in a 0.8um bulk
CMOS process. Reference [GERO12] presents simulation results of a
channel based on a preamplifier and an SC biquad. The total current
consumption is 1.3pA. In reference [LENOI1] the channel is implemented
with a preamplifier and a third order SC filter: first order high pass section
plus second order bandpass, this last one implemented with a biquad. The
total current consumption is 600nA: 450nA in the pre-amplifier and 150nA
in the SC filter. It is important to note that in both of these works a first
order antialiasing filter (implemented in the preamplifier) and a clock
frequency of 2048 Hz (instead of the 10kHz applied in our circuit) are
applied. If we would apply this 5 times smaller clock frequency, we would
be able to sensibly reduce the consumption. However, the decision of
reducing the clock frequency and hence accept a higher level of aliasing
components is dependent on system level estimations of the expected
amplitude of out of band interference. By accepting this higher interference
level, a much smaller consumption is achievable.

Therefore, we can conclude that the performance of our design is
comparable to or better than that of other state of the art implementations.
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Figure 6-3. Frequency response of SC sense channel filter/amplifier: measured (solid line)
and ideal target filter response (dashed line).

2. SOI CONTINUOUS TIME IMPLEMENTATION

The amplifier Al described in Chapter 5 was applied together with a
comparator to implement the continuous time sense channel architecture
described for the Bulk pacemaker chip in Chapter 2. The architecture tested
in SOI is shown in Figure 6-4.

]l
R
C2
AAL
R2
Vi Rl c1
Ve AANA | 1
A )
Vbias Amplifier + Vo
Comparator
VrefDA % -

Figure 6-4. Continuous time sense channel architecture tested in SOI.
2.1 Comparator

The comparator is easily implemented with a symmetrical OTA [LAK94]
followed by two inverters, as shown in Figure 6-5. The low threshold
voltage of 0.5V of the SOI technology and operation in weak inversion allow
us to achieve the required input range (0.44V to 1.44V) when operating from
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a 2V power supply with this simple structure, instead of a more complex and
power hungry rail to rail structure that was required in the Bulk CMOS
design of Chapter 2 [BAR96].

The design target for the comparator was to approach the design value of
15.5us delay with an input step of 100mV amplitude and 15mV overdrive of
the bulk comparator of Chapter 2. This specification corresponds to a delay
of about 250us when considering as input a triangular test signal with
amplitude equal to the minimum step of the D/A converter (62.5mV at 2V
power supply) and 1.5mV overdrive. This value has still a large margin from
the 0.5ms maximum delay specified for the comparator, but it must be taken
into account that the slope of the input signal to the comparator is further
decreased due to the previous filtering stage. In addition, the application of
this criterium makes the result directly comparable to the Bulk design of
Chapter 2.

I-q VDD
T9
T8
T7
[ [: Vout
Ib
TS5 T6

Figure 6-5. Schematic diagram of SOI comparator.

The main calculated, simulated and measured characteristics of the
resulting design, at 2V power supply are summarized in Table 6-2. In Table
6-3 the transistor sizes, g,/Ip ratios and drain currents are listed.
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Table 6-2. Results of MATLAB calculations, SPICE simulations and measurements of the
comparator characteristics for 2V power supply, 5SnA reference current and 50 pF load. See
below for comments and exact definitions of some of the magnitudes included in this table.

Magnitude Calculation Simulation Measurement Comments

Quiescent Current 15 18 19 At zero comparator output

(nA)

OTA Maximum 40 - -

Current (nA)

OTA Delay (us) 14 28 - 100mV input step with
15mV overdrive

Total Delay (us) - 27.7 305 100mV input step with
15mV overdrive

Offset (mV) 8 - 12 (max) Measurement maximum

value in the 0.44 — 1.8V
input range

Input Common Mode 0.24-1.5 - 04 to>15 SeeNote 1

Range (V)

Note 1. The input common mode range calculation was done considering the
threshold voltages of n and p transistors are equal to 0.4V in absolute value. In the
fabrication batch of the measured prototype threshold voltages varies between 0.3
and 0.5 for both n and p transistors. Since the lower limit of the input common mode
range depends on the difference between the gate source voltage of the p input
transistors and the n current mirror transistor, this might explain the difference
between calculation and measurement in this value.

Table 6-3. Design values of transistor sizes, g,/Ip ratios and drain currents of SOI sense
channel comparator.

Transistors W/L (um) g+/Ip (1/V) Ip (nA)
T1, T2 16.5/3 33 5

T3, T4, TS 3/71.5 20 5

T6 4x3/71.5 20 20

T7 35730 20 5

T8 4x35/30 20 5

T9 7516 30 5

T10 2x75/6 30 10

Several comments are due on these results.

a) The first row of the table (OTA quiescent current), refers to the
consumed current in the quiescent state of the comparator in normal
operation, where the comparator output is zero. In this condition,
transistors T1, T3, TS, T7 and T8 (see Figure 6-5) are off and the total
consumption is three times the reference current (the input reference
current plus two times the reference current in the differential pair tail
current source). The quiescent current of the output inverters is
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negligible as well as their dynamic consumption for the expected

switching rate of once per cardiac cycle.

b) The second row refers to the maximum consumption of the OTA when
the output is not saturated.

c) The OTA delay is measured from the point when the inputs are equal to
the point where the OTA output reaches half Vpp. The difference
between the simulated and calculated value mainly comes from the fact
that a small signal linear model was applied to calculate the delay.

d) The total delay is defined from the point where the inputs are equal to the
point when the comparator output reaches half Vpp. In the experimental
measurement, the measured offset voltage was taken into account in
order to have an actual 15mV overdrive, i.e. we applied at one input a
step with 15mV overdrive with respect to the voltage at the other input
plus the offset voltage. The delay of the output inverters is much smaller
than the OTA delay (about one tenth). The fact that the total simulated
delay is smaller than the simulated OTA delay is due to the fact that the
delays are measured up to when half Vpp, is crossed and the inverter
threshold is smaller than half Vpp, since the output inverters have equally
sized n and p transistors. Hence, the comparator output reaches half Vpp
before the OTA output reaches half Vpp,

e) The maximum measured offset voltage is a bit above the 10mV limit
specified in Chapter 2. However, it should be pointed out that there is
still room for improvement at the layout level: we did not apply a
common centroid structure for the input differential, neither did we use
dummy transistors to equalize etching effects at the sides of the current
mirrors. In addition, we are not using an industrial process.

How do these results compare with those of bulk technology ? In bulk
technology a rail-to-rail architecture as the one applied in Chapter 2 is
required. This is so because the common mode input voltage V., is limited
to:

Vem < Vbp - Vasi2 - Vpssatio (6.6)

where Vg, is the gate source voltage of the transistors of the input
differential pair and Vpgsario is the drain source saturation voltage of the
transistor T10 that implements the "tail" current source of the differential
pair (see Figure 6-5). Even working deep in weak inversion, in order to
achieve the required 1.44V maximum common mode voltage, a threshold
voltage of no more than about 0.5V is required, which is not the case in bulk
technologies. The need for a rail-to-rail architecture implies at least to
double the consumption. In fact, the increase is more than twice the
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consumption because in the worst case for speed, when only one half of the

circuit is active, it must drive, at the node where the n and p input sections

join, its parasitic capacitance plus the parasitic capacitance of the other half
of the rail to rail structure.

We designed a bulk rail-to-rail version of the OTA, with the architecture
described in Chapter 2, which is based on a n-input and a p-input OTA
connected in parallel. We kept the same gain factor of the current mirrors of
the output transistors as in the SOI prototype (equal to 4). We applied the
set of technology parameters, which were described in Chapter 3,
corresponding to a bulk technology comparable with our SOI technology.
This design needed a bias drain current through the transistors of the input
differential pairs of 40nA to achieve the same calculated delay as the SOI
design. In the evaluation of the output parasitic capacitances of both the SOI
and bulk cases, the particular layout of the drain regions of the SOI
prototype was considered for both cases, in order to make a fair comparison.
This is relevant since in both cases the unitary transistors that compose the
output transistors have a width that is close to the minimum of the
technology, in order to minimize the output capacitance. Then the particular
layout of the drain areas has more influence on the resulting parasitic
capacitances.

The rail-to-rail bulk OTA has a quiescent consumption (at zero output
and without considering the bias current branch) of six times this current
(two times in the p-input OTA plus 4 times in the n-input OTA). This is so
because in the n-input OTA, in quiescent condition, at zero output voltage,
the branch corresponding to T5 and T7 in Figure 6-5 is conducting the total
tail current of the differential pair. This makes a quiescent consumption
without considering the bias current branch of 240nA, 12 times the
equivalent quiescent consumption of the SOI prototype.

This increase in current is due to the joint effect of the following factors:
a) double circuit to have rail to rail operation, each one with the double load

capacitance, since in this case the load capacitance is mainly determined

by the parasitic output capacitances of the OTA (the gate capacitance of
the minimum sized inverter transistors are negligible) plus,

b) the additional n-input OTA, conducts in quiescent condition 4 times the
bias current of each transistor of the differential pair instead of 2 times
for the p-input OTA.

c¢) increased load capacitance in bulk, plus

d) smaller transistor g,/Ip ratio.

The drain current of the input differential pair of this bulk design is the
same order of magnitude as the one applied in the bulk design described in
Chapter 2 (50nA current through the differential pair transistors).
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2.2 Experimental results of continuous time sense
channel

Figure 6-6 and Figure 6-7 show the experimental performance of the SOI
sense channel. In Figure 6-6 the responses of the amplifier and comparator
are shown when an input test signal of 0.4mV, which is twice the minimum
threshold amplitude, is applied. Figure 6-7 shows how the circuit
systematically detects an input test signal of the minimum threshold
amplitude of 0.2mV.

The measured output noise of the filter / amplifier is 10.4mVrms.

2.3 Overall evaluation of the continuous time
implementation

The overall operation of the circuit for the detection of cardiac test
signals was successfully tested. The application of a simple architecture
based on power efficient building blocks, like the class AB amplifier
described in Chapter 5, together with the superior characteristics of FD SOI
technology made it possible to achieve an ultra low current consumption of
110nA (90 nA in the filter/amplifer and 20 nA in the comparator). This is an
order of magnitude reduction with respect to previous implementations,
either ours described in Chapter 2 or, for example, the one described in
reference [LENO1] as well as those described in other prior works discussed
in Chapter 1.

This consumption could be further reduced to only 60nA by applying the
optimized design of the amplifier described in section 5.2 of Chapter 5.

The characteristics of the FD SOI technology allowed us to simplify the
comparator structure and achieve an order of magnitude reduction in its
consumption with respect to an implementation in a comparable bulk
technology and the actual implementation presented in Chapter 2.

The main reduction in the consumption of the filter / amplifier comes
from the advantages provided by the proposed class AB architecture. Here
the reduction is about 6 times when compared with our industrial
implementation of Chapter 2 or the filter amplifier of reference [LENO1],
which consumes 450nA in the preamplifier and 150nA in the switched
capacitor filter section. Here the impact of the application of the FD SOI
technology is to provide a reduction of consumption of about 23% with
respect a similar design implemented in bulk technology. The reduction is
much smaller than the ones achieved in other circuits discussed in this book
because the main consumption of this amplifier is in the output stage and this
consumption is determined by the load current requirements and not by the
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non dominant pole position. Hence the reduction of parasitic capacitances of
SOI has less effect on the total amplifier consumption.
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Figure 6-6. Input signal (top), filter output (middle) and comparator output (bottom). The
input signal is divided by 201 prior to entering the circuit. From [SIL021], © 2002 IEEE.
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Figure 6-7. Input signal (top) and comparator output (bottom). From [SIL021], © 2002 IEEE.
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3. CONCLUSIONS AND FUTURE RESEARCH
PROSPECTS

The results of two implementations of a pacemaker sense channel have
been described.

First, the measures applied to reduce power consumption in a switched
capacitor implementation in 0.8um bulk CMOS technology have been
presented. Particularly, we reviewed the criteria to fix the transition
frequency of the operational amplifiers in the case of the implementation of
filters with high in-band gain. The application of these measures jointly with
the efficient class AB amplifier architecture presented in Chapter 5 lead to a
total consumption comparable to other recently published results. This
similar consumption was achieved in spite that we applied a five times
higher sampling frequency that improves the rejection of aliasing
components at the expense of an increased power consumption.

Finally, the results of a continuous time implementation of a pacemaker
sense channel in FD SOI technology were presented. This implementation
achieved an ultra low current consumption of 110nA, which is an order
magnitude reduction with respect to previous implementations. This current
saving is mainly due to the use of the FD SOI technology in the case of the
comparator and is mainly due to the application of the novel approach to the
design of the class AB output stage in the case of the amplifier. Considering
the whole block, approximately half of the reduction in consumption stems
from the use of the FD SOI technology and the other half results from the
class AB amplifier design approach introduced in Chapter 5.

Future research prospects

Most of this work lies on the application of the g,/Ip design methodology
proposed by Prof. Paul Jespers, which, together with other colleagues of the
UCL Microelectronics Laboratory, we have contributed to validate and
apply since its conception. The power optimization method presented in
Chapter 4 constitutes a novel, full fledged, application of the g./Ip
methodology, that highlights its power to explore the design space with a
unified treatment of all regions of operation of the MOS transistor. In this
work we have also contributed in Chapter 3 to the modeling of analog blocks
based on the g,/Ip method, for the case of the current mirror pole frequency
and precision. We know much is still to be done in these directions.
Particular research directions are the extension of the power optimization
method to include other performance aspects and other amplifier
architectures (particularly the class AB amplifiers described in this book).
We feel this OTA design method based on power optimization could provide
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an interesting contribution to the advancement of the much needed and
slowly advancing field of analog design automation, particularly in the field
of power critical systems.

The class AB stage design approach can still be further developed and
applied. One aspect is the experimental validation of the circuit modification
proposed to improve the transient response. Another line of work is the
application of this output stage to amplifiers with rail-to-rail input stages.

Finally, concerning the field of active medical implantable devices, we
have just considered one aspect of the problem, that of the analog signal
processing circuits. Additional work is needed to fully exploit the advantages
of SOI in a complete pacemaker chip. Several promising prospects exist
here, for example in regard to the digital circuitry, which takes an important
portion of the total consumption. The voltage multiplier and polarity
switches also require careful consideration. On the one hand, the absence of
latch up and of connection to the common substrate of the CMOS SOI
structure could greatly simplify the design of this module. On the other hand,
the reduced drain-source breakdown voltage of FD SOI transistors calls for
the application of special solutions in these switches that must withstand up
to three times the power supply voltage (i.e. 8.4V). These solutions could
probably come by way of the application of structures specifically intended
for SOI [GAO92] or techniques developed to deal with the low breakdown
voltage of deep sub micron bulk MOS transistors [REY97].

Concerning more general implantable applications, the demonstrated
benefits of FD SOI technology in terms of reduced power consumption will
grow in significance as implantable devices increase the number of
measured signals and their processing in order to act more precisely on the
physiological systems.
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Integration of Large Time Constants

This appendix details the evaluation of the components needed for
implementing large time constants as well as a review of the published
techniques to ease their integration.

We considered, as example for the analysis, the time constant associated
to the low frequency, high pass characteristic of the sense channel filter. This
time constant corresponds approximately to 70Hz, i.e. (1/2.%.70), which is
equal to 2.3ms.

We analyzed the four circuit techniques shown in Figure Al-1: an active
RC filter, a MOSFET-C filter, where the resistor is implemented by the
linear region resistance of a MOSFET, a transconductance — C (g,,-C) filter
and a switched capacitor filter.

In the MOSFET-C technique (Figure Al-1, b)), a p-MOS transistor,
which would give the highest resistance since its mobility is lower, was
considered. The process data applied was the following typical data for a
2um Bulk CMOS technology: mobility times oxide capacitance per unit
area: [L.Cox = 20UA/V?, zero source-bulk threshold voltage V= 0.85V and
body-effect coefficient n of 1.5. The gate-bulk voltage applied is supposed
equal to the nominal power supply voltage of 2.8V to give a high linear
operation range. The DC level in the MOSFET resistor (i.e. the source-bulk
voltage) is considered to be one fourth the power supply voltage, which is
the actual design value in the sense channel case, which allows proper
biasing for the operational amplifier and comparator.

A g./Ip ratio of 25V is considered for the g,-C filter since this is the
typical value in the weak inversion region for a Bulk CMOS technology. The
weak inversion region is considered since this would probably be the case at
these low currents. Usually smaller g,/Ip ratios will result from the
application of techniques aiming at increasing the input linear range of the
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transconductor; these techniques are discussed below when the methods for
easing the implementation of large time constants are considered.

The sampling frequency of the switched capacitor implementation is
considered at 10kHz which is fifty times the upper cut-off frequency of
200Hz to allow for a low order anti-alias filtering.
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Figure Al-1. First order, high pass filtering sections considered for evaluation of feasibility of
implementation of large time constants. a) Active RC, b) MOSFET-C, ¢) g,,-C and d)
switched capacitors architectures.

If we limit the capacitance value to 100pF as a maximum value that
could be integrated, then Table Al-1 shows the required value of: (1)
resistance (R) for a RC filter, (2) transistor aspect ratio (W/L) for a
MOSFET-C filter, (3) transconductance (g,) and bias current required for a
gn-C filter and (4) the capacitor ratio required in a switched capacitor (SC)
filter.

Table Al-1. Required components characteristics for RC, MOSFET-C, g,—C and SC
implementation of filter with time constant T of 2.3ms and capacitor C of 100pF. The
following conditions are considered: a pMOS transistor, which provides the highest resistance
due to lower mobility, in the MOSFET-C filter; a typical transconductance to drain current
ratio (g,/Ip) of 25 for the g,-C filter and a sampling frequency of 10kHz for the switched

_capacitor filter.
R-C filter MOSFET-C filter g,—C filter SC filter
R=1/C (W/L)=(R.1.Cox. gn=1/R Lhias=gn/(8n/Ip)  (Co/Cp)=1.f;
| (Vap-Vign.Veg) !
23 MQ (1/414) 43 nS 1.7 nA 23

As discussed in Chapter 2, this table shows that this time constant value
is at the acceptable limit of integrated solutions or beyond it, except for the
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case of the switched capacitor technique. It is even more difficult to achieve
an integrable solution if the stage must provide a high in-band gain, as in the
case of the sense channel application.

Our solution was to implement the time constants based on external
components, after considering the known alternatives for easing the
implementation of large time constants. We review these techniques in the
following paragraphs.

In g,-C architectures, different approaches for decreasing the resulting
transconductance to very low values with not so low bias current values have
been proposed. The bias current that can be applied is limited by aspects like
noise and leakage currents but also by its effect on the stage slew-rate. In
evaluating the proposed solutions, attention must be paid to the effect on
slew-rate, parasitic poles as for example the one associated with the current
mirror that acts as active load of the differential pair and input offset voltage,
since the reduction in transconductance makes that the input offset voltage
due to current mismatches is increased. The techniques include: emitter
degeneration, current division [RUS72], cancellation of currents components
in a differential pair [GAR77] and emitter degeneration by a MOSFET
operated in the triode region combined with current division [SIL97].
Furthermore in reference [SAR97] four techniques for extending the linear
range of a transconductor are described. These techniques also result in
lowering its transconductance.

The implementation of large time constants in an SC environment
implies to slow down the basic filtering function of integration. One way to
accomplish this is with a T-cell capacitor network [SAN84] which can be
viewed either as a way of reducing the effective input capacitance to the
integrator, or as a way to reduce the input voltage through a capacitive
divider previous to integration. A solution along the same basic principle, is
proposed in [NAG89]. This last solution is parasitic insensitive and is based
on applying a single capacitor for input attenuation and integration. A
different approach allows the application of a lower sampling rate without
compromising the requirements imposed on the anti-alias filter by the
application of a decimation filter at the input. This decimation filter is
clocked at a higher rate than the rest of the filter [VONS2].

Finally, capacitor multiplication methods exist to simulate a bigger
capacitor value from a smaller actual one. Some of these circuits are based
on the combination of a capacitor and a voltage or current amplifier
[STO891]. Alternatively, reference [CUP79] proposes a method applying
backward Euler integration with sampled data that leads to large capacitors
simulation, based on resistor ratios, which could be also implemented as
switched capacitors.
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Design of Accelerometer Signal Conditioning Circuit
of Industrial Pacemaker IC in Bulk CMOS
Technology

1. GENERAL CIRCUIT ARCHITECTURE

The main definitions of the overall architecture of the accelerometer
signal conditioning circuit stem from the kind of sensor applied. It is a
piezoresistive sensor based on a resistor bridge, where the voltage at the
output, resulting from the unbalance of the bridge, is proportional to the
acceleration. Some essential issues influencing the design are the following
([ICS00]):

— The bridge resistors have a typical value of 3.5k€2 and a range of
variation from 2.5k to 6.5kQ

— The sensitivity, which is proportional to the supply voltage of the bridge,
ranges from 8mV/g to 20mV/g at 5V power supply.

— The sensor passband starts at DC. Therefore, it will also sense the
constant g acceleration due to gravity, depending on the sensor (person)
orientation. This constant acceleration value plus the sensor offset, will
result in a DC component at the sensor output that is much greater than
the signal to be measured, which starts at 7mg and goes up to 340mg.
From these sensor characteristics, it results that:

1. the sensor cannot be permanently powered since the required
consumption is in the mA range,

2. the minimum input signal to be measured is dependent on the supply
voltage of the bridge, but in any case, it is in the range of a few UVs,
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3. a mechanism to get rid of the high DC component while preserving the
low noise characteristics and low frequency response (0.5 to 7Hz) must
be applied.

The strategy applied to reach the required consumption was based on
turning the sensor on only during short time intervals necessary to sample its
differential output and then process in continuous time the sampled and held
signal [ARN98]. In this way the sensor is only turned on with a very small
duty cycle (0.38 %) resulting in a drastic power reduction (consumption is
divided by 260). An analysis technique was developed for the sizing of the
sample and hold switches taking into account the effect of the switch on-
resistance and leakage current [ARN97]. The main ideas and results
associated to this technique, which has a broader field of application, will be
presented later in this section.

Figure A2-1 shows the module’s block diagram, which follows what was
presented in section 2.3 of Chapter 1. Figure A2-2 depicts the sensor
sampling and processing stage. The control clocks ¥, and ¥, are active in
the low logical level and have very low duty cycle: 1/256 for ¥, and 1/128

for \Pz.
Sensor : I ; Averaging
and S&H ﬂ stage —

— BandPass Ideal
Digital Filter Rectifier
Control

Figure A2-1. Accelerometer conditioning circuit block diagram. The blocks shown are (from
left to right): sensor and sample and hold with digital control logic; 0.5 to 7Hz bandpass
filter, amplifier; ideal rectifier in order to add the effect of positive and negative accelerations
and a stage that performs the three seconds average to output the indicator applied for rate
adaptation. From [ARN98], © 1998 IEEE.

2. IMPLEMENTATION OF THE DIFFERENTIAL
INPUT BAND-PASS FILTER / AMPLIFIER

The required band-pass characteristic, which removes the input DC
component, is based on a differential input amplifier with low-pass
characteristic, fed back with an integrator stage that gives the high-pass
characteristic. Since the input signal coming from the sensor's resistor bridge
is a differential signal, the selected filter architecture must provide a
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differential signal input and an additional input for connection of the
integrating feedback stage. The selected architecture is based on the
differential difference amplifier concept [SAC87], implemented with a
double input symmetrical OTA (i.e. with two input differential pairs in
parallel). One input differential pair is applied for the sensor signal and the
second one is applied for the integrator feedback and for the feedback
network that sets the gain of the stage. A simplified schematic diagram of
the stage is shown in Figure A2-3 while the double input symmetrical OTA
is shown in Figure A2-4. A second gain stage, based on A3, R3, R4 and C3
is included to enhance the overall closed loop gain.
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Figure A2-2. Sensor sampling and processing for reduced power consumption. When ¥ is
low (Ton), the M; and M, switches are on and the output of the sensor is sampled on C,, C,.
¥, controls the current through the bridge. ¥, low turns the bridge on. The bridge is on a
setup time (Tsgnsor serup) before Ton and remains on a hold time after To.

For analog reasons as those explained in Section 1.2 of Chapter 2, the
time constants of the band pass filter were implemented through external
components.

Previously an architecture based on the instrumentation amplifier
presented in [STE87] was applied, as described in [ARN98]. In this
architecture, the gain from the feedback input to the output is lower than the
gain from the signal input. The effect is a reduction on the input offset range
that can be compensated through the integrator action, whose output is
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bound to the power supply range. The architecture of Figure A2-4 improves

this defect.
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Figure A2-3. Band-pass filter / amplifier block diagram.
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Figure A2-4. Double input symmetrical OTA that provides a differential signal input and an

additional differential input for feedback purposes.
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3. RECTIFIER STAGE AND AVERAGING STAGE

The rectifier stage was implemented based on the application of switches
to change the configuration of an amplifier circuit from inverting to non-
inverting and vice-versa, according to the sign of the input signal. Figure
A2-5 depicts graphically this principle of operation and Figure A2-6 shows a
schematic diagram of the stage.

Figure A2-5. Principle of operation of rectifier stage.

R R
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Figure A2-6. Schematic diagram of rectifier stage. From [ARN98], © 1998 IEEE.

This architecture has several features that make it very well suited for
operation at low supply voltage. First it avoids the application of floating p-n
diodes, which are not available in standard Bulk CMOS technologies.
Though they could be replaced by MOS diodes, they have the drawback of
greatly decreasing the signal range that could be handled because even in op-
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amp-diode ideal rectifier configurations, the diode forward voltage adds up
to the signal at the amplifier's output, which in a 2V power supply context is
too high an overhead. Second the switches to be included operate either at
the fixed Vpas voltage (as is the case of My in Figure A2-6) or pass only half
of the signal range (M, and M; in Figure A2-6) thus relaxing the difficulties
related to operation at low supply voltage.

Finally, the averaging stage of the block diagram of Figure A2-1, was
implemented by an external passive RC low pass filter.

The complete accelerometer conditioning circuit layout and chip
microphotograph are shown in Figure A2-7.

Figure A2-7. Layout and microphotograph of accelerometer signal conditioning circuit. From
[ARNO8], © 1998 IEEE.

4. EXPERIMENTAL RESULTS

The main measured specifications of the circuit are summarized in the
following table:

Table A2-1. Main measured specifications of accelerometer signal conditioning circuit.

Amplifier Gain 2900
Equivalent input noise (LVrms) 18
Consumption (LA) 34
Area (mm’) 1.82

The total consumption of 3.4[tA is divided among the blocks as follows:
0.6pA for the sensor, 0.3uA for the digital control block, 1.45 pA for the
band-pass filter amplifier, 0.6 HA for the rectifier stage and 0.45uA in
auxiliary stages (bias current branch and voltage buffer for reference
voltage).
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The minimum measurable acceleration value, corresponding to the
measured noise level, resulted to be 0.04g, which is higher than the initial
goal but satisfactory for the application purposes.

Finally, Figure A2-8 shows the result of a “field” test of the circuit. In
this test, the heart rate of a healthy person doing physical exercise was
acquired simultaneously with the output of the circuit. Then, the heart rate
that the pacemaker algorithm would set based on the output of the
accelerometer circuit was compared with the measured rate of the healthy
heart. Figure A2-8 shows the measured output of our circuit (trace C), the
measured cardiac frequency of the person (trace A) and the simulated heart
rate generated by the pacemaker algorithm fed with the digitized output of
our circuit (trace B). The test consisted of different levels of physical
activities like walking and running.
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Figure A2-8. Overall "field" performance test of accelerometer conditioning circuit. From
[ARN98], © 1998 IEEE.
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S. SAMPLE AND HOLD DESIGN METHODOLOGY

This section describes the results presented in [ARN97].

The power consumption of the sensor interface shown in Figure A2-2
depends on the sampling frequency and sample time (which is related to the
time the sensor is on). The signal appearing at the output of the sample and
hold is affected by errors due to the switch non-idealities. As we discuss
below, the switch non-idealities that are significant in this case are the switch
on-resistance and leakage current. These errors are also dependent on the
sample time and sampling frequency. In this Section we will present a
technique to fully evaluate these effects. We will also show that the
traditional approach for estimating the required switch on-resistance
(Chapter 8 in [VDP94]), which is based on the objective of a given settling
error at the end of the sample time, leads to oversized designs. The proposed
technique allows us to optimize the trade-offs in sampling frequency, sample
time, switch on-resistance, leakage current and sensor power consumption.
Additionally it provides a tool for the more general issue of design of sample
and hold stages in oversampling systems.

We will now analyze why the charge injection error is not significant and
thus, the non-idealities to be taken into account are only the switch on-
resistance and leakage current. We need only to consider the signal
dependent part of the charge injection since the constant part appears as a
DC offset that can be separated by the following filtering stages and that is
attenuated due to the differential structure. Regarding the signal dependent
charge injection the point is how it compares to the error due to the switch
on-resistance, both of which are related to the transistor size. In Chapter 3,
we showed that the product of a sample and hold time constant times the
maximum signal dependent voltage error (i.e. the speed-accuracy trade-off)
can be expressed as:

2 k
(mv&d.] - ;— chan (A2.1)
" M Vpp V1o |
Vi max

where 7T is the switch time constant equal to the product of the on-
resistance and the sampling capacitor, AV,4 is the signal dependent error
voltage, L is the channel length, 1 is the mobility, ke, is the charge
distribution coefficient channel charge to both sides of the switch, Vpp the
power supply voltage, Vyo the threshold voltage, n the body effect
coefficient and Vi, the maximum signal amplitude to the switch. Therefore
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this product is independent on the switch width. Since in our application we
are dealing with very small signal amplitudes (Vin.x in the UV range), the
resulting T.AV,4 product is very small and the speed-accuracy trade-off is
much relaxed. This trade-off is further relaxed by the accurate determination
of the requirements on the switch resistance through the method proposed in
this section. Hence, the determining factor in this context will be the effect
of the switch resistance and not the signal dependent charge injection error
as can also be verified a posteriori based on the resulting design.

The switch noise will also be negligible with respect to the amplifiers
input noise.

In addition, both noise and charge injection can be accurately estimated
with well established models, while, as we show below, in the case of the
switch on-resistance and leakage, traditional models lead to highly oversized
designs.

The section is organized as follows. First, we present the motivation
behind the proposed methodology. We then describe the modeling technique
applied for the switch on-resistance. Next, the effect of the leakage currents
is added. Finally, we present examples on the current consumption reduction
that can be achieved and the validation of the proposed method through
simulation and experimental results.

5.1 Motivation

Figure A2-9 shows an intuitive view of the trade-off between sample
time (Ton) and sample frequency in relation to the error due to the switch on-
resistance. In Figure A2-9 a) we have a low sampling frequency and long
sample time so that the sampled signal xg(t) settles to the input value x(t)
with negligible error. In Figure A2-9 b) we suppose higher sampling
frequency and a very short sampling time so an important error, due to the
incomplete charge of the capacitor, appears when the signal is sampled;
however the resulting sampled signal xg(t) follows the input signal closer
than in Figure A2-9 a).

The proposed model of the sample and hold makes it possible to optimize
the trade-off depicted in Figure A2-9 by quantifying the influence of the
sampling frequency and sample time together with the switch on-resistance
and leakage currents.
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x(t
X a) b)
xs(t)
xs(t)
Figure A2-9. Graphic representation of the trade-off between sample time and sampling
frequency.
5.2 Sample and hold with switch on-resistance

The proposed model is an extension of the ideal sample & hold model,
which is recalled in Figure A2-10 (JOPP83]).

p(t)=23(t-nT)

hoy xs(t)

x(t) e 1 |

>
I

Figure A2-10. Ideal sample and hold model.

This model represents an ideal sample and hold as an ideal sampler,
which multiplies the input signal by a Dirac's delta or impulse train, followed
by the convolution with the pulse function hy(t), as expressed in Eq. (A2.2).
The effect of the convolution with the pulse function is the holding action of
keeping the output at a constant value, equal to the sampled value, during the
sampling period Ts.

xg(t) = +f‘jx(t —nTg )3(t —nTg )*h, (t) (A2.2)

The Fourier transform of hy(t), noted Ho(f), is given by:

ejan‘S

h (t) > Hy (f)=T,.sinclrT, ) (A2.3)

where sinc() stands for the function sin(x)/x.
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Taking Fourier transforms to both sides of Eq. (A2.2), we arrive to the
well-known expression of the Fourier transform of the ideal sampled and
held signal Xg(f), including the "sinc distortion” factor:

X (f) = sinc(nfTg Je ™" +f X(f - nfg) (A2.4)

—o0

We will now consider how to include in this model the error associated to
the incomplete charge of the sampling capacitor C due to the non-zero on-
resistance of the switch.

This can be easily done if we consider the sample time Toy (the time
when the switch is on, charging the capacitor C) negligible with respect to
the sampling period Ts. This is the case in our accelerometer application
since we try to minimize Ty in order to minimize power consumption. In
addition, the resulting expression is also a good approximation when this
hypothesis does not hold (i.e. Toy is comparable to Ts) and the signal is
oversampled. In this case, it can be shown that what we are discarding, when
considering Ton to be negligible with respect to Ts, are high frequency
components, which are out of the signal band.

Then, under the assumption of Toyn negligible, the evolution of the
sampled and held signal is as shown in Figure A2-11.

Figure A2-11. Input (x(t)) and sampled and held signal (xs(t)) with on-resistance error when
sample time Toy is much smaller than sample period Ts.

The essential issue in order to extend the ideal sample and hold model to
include the on-resistance effect is that the sampled and held signal of Figure
A2-11 can be determined from the ideally sampled signal through a discrete
time filter as shown below.

By taking into account the exponential charge of the capacitor through
the Ron switch resistance, xs(n.Ts) is given by:
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o0 ) = x5 (11T )+ x0Ty )= xs (017 )1[1_;%NCJ(A2_5)

From this expression, AV and o shown in Figure A2-11 are given by:

Ton
AV = x(nTg)-x5((n—1)Tg) and o = 1—e AONC (A2.6)

Eq. (A2.5) defines a discrete time filter with input x(n) and output X,(n)
that models the effect of the switch on-resistance. Its Z-transform transfer
function is given by:

_Xs(Z)_ o
X)) 1-z(-o)

H(z)

(A2.7)

Then we can proceed in analog way to the ideal sample and hold case,
but introducing H(z) as shown in Figure A2-12, to take into account the on-
resistance effect.

p(t)

—><§>——> H(z) b —

x(t) X(t)

v

Figure A2-12. Sample and hold model including switch on-resistance effect.

Calculating the frequency response of the digital filter H(z) as H(e*™)
and applying the model of Figure A2-12, we have the spectrum (Fourier
transform) of the output signal Xs(f).

o

Xs(f)=m

. +oo
sin c(nfTg )e™ .3 X(f - nf) (A2.8)

The consequences of this improved model can be analyzed considering
the relative error in the signal amplitude, noted re and defined as:
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re(f)=1- X5() (A2.9)

x()

Figure A2-13 a) plots re as a function of the oversampling ratio defined as
fs/f when the sample/hold duty cycle (Ton/Ts) and the sample and hold time
constant RonyC are kept constant. Figure A2-13 a) also shows the relative
influence of two factors in re. These are the traditional sinc distortion
calculated with Eq. (A2.4) (referred as re;) and the difference rey = re - rey,
which can be seen as the influence in the frequency response of the
incomplete settling relative error €. The voltage relative error € at the end of
the sample period Toy is equal to (1-o) and is plotted in Figure A2-13 b). As
the oversampling ratio increases, the error due to the sinc distortion re;
decreases causing re to decrease in spite of the fact that the error € grows
(due to the decrease of Toy), making rey grow. As we can see, about 25%
settling error causes only about 5% relative error re in the sampled signal
because of the benefits of oversampling. Figure A2-13 a) shows that a good
compromise between total error and sampling frequency can be found at fg/f
around 6 to 8 for the particular example. It also shows that taking into
account only error € as error estimate leads to a highly pessimistic
estimation.

) relative error re (%)

30 .

b)
%

20

2 4 b 8 10 12 14 16 2 4 B é 1;3 1.2 1I4 16
£/f fo/f

Figure A2-13. Sample and hold error terms as a function of oversampling factor fs/f for
constant sample/hold duty cycle (Toy / Ts). a) total amplitude relative error (re as defined in
Eq. (A2.9)), sinc error (rep) and error difference rey; = re — rey. b) voltage settling error € = 1-0t
at the end of sampling time Ton.

Some comments are due on the scope and consequences of this analysis.
As discussed in the previous paragraph, two error sources appear when
dealing with a sample and hold with switch on-resistance: the sinc factor due
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to the sample and hold effect and an additional factor related to the
incomplete settling during the sample time. In the analysis based on Figure
A2-13 what we are doing is to choose the minimum frequency that provides
an optimum balance between both error sources and that decreases the total
error. It is well known that an appropriate filter, placed after the sample and
hold stage, can compensate the sinc factor. However, this compensation
implies added consumption and circuit complexity and is not applied in
many systems. Furthermore, even when the sinc factor compensation is
applied, the resulting error is much less than the € settling error. This can be
understood based on the fact that the settling relative error is taken with
respect to the voltage step at the output of the sample and hold at each
sampling period, which is much smaller than the total output voltage of the
sample and hold. The previous discussions are only valid in the case of a
sample and hold that, by definition, preserves the previous output value.
Similar considerations are not valid when analyzing, for example, the
influence of the switch on-resistance in many switched capacitor circuits,
where capacitors must be completely charged in one sample period.

53 Leakage current effect

The presence of leakage currents makes the capacitor voltage change
during the hold phase. This can be taken into account, while preserving the
sample and hold as a linear system, by modeling the leakage current as a
current through a resistor Re.x as shown in Figure A2-14.

1 &
L

— x(t)

Xs(n-1) Xs(n)

Figure A2-14. Principle of model to include leakage currents effect, while keeping the model
to be linear.

This approach neglects the non-linear dependence of leakage currents
with the sample and hold output voltage. In the case of our accelerometer
circuit this effect is in fact negligible since we have a very small AC signal
plus a DC bias value. Hence the leakage currents will be determined by the
almost fixed total (DC plus AC) value and will be approximately constant. In
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this case the Ry, value can be suitably chosen as equal to V/I;.;, where V is
the voltage DC bias value and I, is the leakage current which correspond to
this bias voltage. In a more general case this approach seems to be a good
first order approximation to the problem.

Applying the principle shown in Figure A2-14, the effect of leakage
currents can be included in the model of Figure A2-12. This is done by
modifying the digital filter H,(z) to include the effect of the changing voltage
during the hold phase and replacing the rectangular pulse hg(t) by an
exponential pulse hy(t) equal to e®**€ for t between 0 and Ts. This
exponential pulse is the result of the evolution of the output voltage during
the hold phase.

p(t)

l h;
"“)_,®_+ H,(2) ﬁ B

Figure A2-15. Model that includes the leakage currents effect.

We will now deduce the expressions of the filter H, and the resulting
spectrum of the sampled and held signal. For nTs <t < (n+1)Ts, the effect of
the leakage resistor leads to:

x,()=x, (T, )e_(t =T /Ry C (A2.10)

Proceeding as in the case of the model for the on-resistance, we include
both effects on the discrete signal xg[n] in a discrete time filter:

xsln]=a(x[n]- Bxg[n- 1])- pxg[n- 1]

with = e~ Ts/RieakC (A2.11)

Applying the Z transform, the following expression results for Hy(z):

H,(z)=—f— (A2.12)
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To obtain the expression of the continuous time Xxs(t) signal we make a
convolution with an exponential pulse h;(t). This convolution affects the
spectrum of xs(t) with the following factor:

hy(t)=e™", 1=R;o;,C=

1 .
| —+j2nf |T
By ()= 1-e [t (A2.13)
~+jonf
T

The resulting expression for the spectrum of xg(t), taking into account
both , the on-resistance and leakage current effects is:

X (f) ® L | e SX(f -nfs)
= - . J1—¢€ — -1
S - Bel™Ts (1 - q) (1 +j2nf] T < s
T

(A2.14)

54 A synthesis example

We will take an example from our piezoresistive accelerometer interface
circuit. There we use a pMOS transistor to sample a small signal of 500uV
amplitude around a common mode voltage of 1.75V with 2V power supply.
The frequency of interest ranges from 0.5Hz to 7Hz. Sampling frequency f5
was fixed at 125Hz and capacitor C is 35 pF. We want to minimize power
consumption, and to do so we must minimize Toy, Which is related to the
time that the sensor is on. We want our signal amplitude to have an error of
less than 1% in the band of interest. The estimated on-resistance of the
switch for the 1.75V input voltage is 50kQ (worst case value) and leakage
currents are 22fA considering 25% mismatch, as suggested in [SHO86],
between leakage currents of the differential sample and hold.

With these data and applying Eq. (A2.14), we obtain the attenuation in
the input signal due to the sample and hold. Figure A2-16 shows the
attenuation at the maximum signal frequency of 7Hz as a function of the
sample time Ton. From this plot we see that Toy equal to 4.7us fulfills the
1% error requirement.

If we apply a rough criterion of assuring a settling error € of 1% for the
RonC circuit we would have Ton equal 8.1us that doubles the actually
required time and therefore consumption.



App.2. Design of Accelerometer Signal Conditioning Circuit of 195
Industrial Pacemaker IC in Bulk CMOS Technology

Vo/Vi

Ton(us)

2 4l é 8 1b 12
Figure A2-16. Amplitude transfer function for a sampled 7Hz signal as a function of Tgy.
5.5 Simulation and experimental results

Simulation and experimental measurements were done to check the
proposed model. The sample and hold tested was implemented with a Bulk
nMOS transistor with W equal to 40pum and L equal to 12um. Sampling
frequency fs is 125Hz and power supply 3V. The capacitor C and Toy values
were taken so as to make the studied effects clearly visible. A 100nF
capacitor and 400us Ton were applied. Following the sample and hold was
placed a low pass filter to cut frequency components above the sampling
frequency.

Simulations

Simulations were made using the EKV model ([VIT93, ENZ95]) for the
nMOS transistor. The input signal was a sine wave of variable frequency,
400mV AC amplitude and 200mV DC value. Three simulations are shown
in Figure A2-17. In the first one, leakage currents are not simulated, while in
second one they are simulated placing a S00kQ resistor in parallel with the
sample and hold capacitor. In both plots theoretical and simulated curves are
shown with high agreement. The third plot shows the predicted and
simulated transfer functions when leakage currents are modeled in the
simulator through a reverse biased diode connected in parallel with the
sampling capacitor. For this case our predictions resulted in a small
overestimation of the leakage current and on-resistance effects in the sample
and hold performance. This difference is due to the assumption of a linear
behavior of the leakage current effect.
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Figure A2-17. Simulated (+ symbols) and predicted (solid line) transfer functions for a
sample and hold with no leakage current (a)), leakage currents simulated with a resistor (b))
and leakage currents simulated with a reverse connected diode (c)).

Measurements

The measured value of Roy was 3.4kQ. The corresponding settling error
g, previously defined, is 0.32. Figure A2-18 plots the predicted transfer
function, the measured transfer function and the sinc transfer function given
by Eq. A2.4. Leakage effects were expected to be negligible and were not
measurable.
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Figure A2-18. Predicted (solid line) and measured (circles) transfer function of a sample and
hold, shown together with the sinc function (dashed line).

The simulation and experimental results show very good agreement with
the proposed model.

6. CONCLUSIONS

We have proposed a new modeling technique for a sample and hold
stage, particularly in an oversampling environment. This technique makes it
possible to precisely take into account the effect of the switch on-resistance
and leakage currents on the stage operation. We have provided a model, the
resulting expressions for the spectrum of the non-ideal sampled and held
signal, and have connected these mathematical results with intuitive
visualizations of what happens in the time domain. The application of these
tools makes it possible to either relax the requirements on the switch on-
resistance or, in our application, to optimize the sensor interface to minimize
power consumption.
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