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Preface

CMOS amplifiers suffer from relatively poor offset specifications. Since the
1980s techniques have been explored to calibrate for this offset, or to let the
amplifier itself compensate for its offset in some way or another. This latter
approach is often done dynamically during operation of the amplifier, hence
the name “dynamic offset compensation”. This thesis describes the theory,
design and realization of dynamic offset compensated CMOS amplifiers.
It focuses on the design of general-purpose broadband operational amplifiers
and instrumentation amplifiers.

Two distinguishable offset compensation techniques are described in
chapter 2: auto-zeroing and chopping. Several topologies are discussed, in chapter
3 which can be used to design broadband dynamic offset-compensated
operational amplifiers as well as instrumentation amplifiers, which are described
in chapter 4. Four implementations are discussed in this book: two low-offset
broadband operational amplifiers in chapter 5, and chapter 6 discusses a
low-offset instrumentation amplifier, and a low-offset current-sense amplifier,
which can sense battery currents at a 28V rail.

J.F. Witte

K.A.A. Makinwa
J.H. Huijsing

Delft, December 2008
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Introduction

1.1 Motivation

Low-offset amplifiers are needed in measurement systems. Typical applications
include the read-out electronics of strain gauges, thermocouples, piezoelectric
sensors, Hall sensors, or photo diodes. The signals generated by these devices are
small, sometimes at the microvolt level. From an economical point of view,
CMOS is the preferred technology for designing analog circuits, since it is
relatively low cost and it enables the integration of low-power digital signal
processing. This, in turn, makes the realization of complex mixed-signal systems
feasible.

However, the input offset of typical CMOS amplifiers is at the millivolt
level, limiting their accuracy severely. This compromises their usefulness in
measurement systems. Therefore, techniques have been developed to solve
this input offset problem. The need for precision electronics is the driving
force behind a continuous effort to reduce the offset of CMOS amplifiers.

Calibration during production or trimming by the user would be the
obvious solution to achieve a low offset, however, offset-trimmed CMOS
amplifiers still suffer from offset drift over temperature and time. This offset
drift will be an accuracy limit. Another method is to compensate for the offset
dynamically, by implementing extra on-chip dynamic offset compensation
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circuitry in amplifiers. Because these techniques continue to compensate for
the offset during the lifetime of the device, slow variations of the offset will
also be compensated. Thus, offset drift over time and temperature will be
strongly reduced.

Furthermore, considering the current trend towards lower supply voltages,
offset in typical low-voltage CMOS amplifiers is becoming an increasingly
more important limit in accuracy and dynamic range. Moreover, it can be
predicted that knowledge about dynamic offset compensation techniques will
become a necessity for future analog designers.

There are two different dynamic offset compensation techniques that
can be distinguished, auto-zeroing and chopping [1.1]. Auto-zeroing is a
sampling technique in which the offset is measured during one sampling
phase and subtracted during another sampling phase. During the measurement
phase, the amplifier cannot be used to amplify the input signal, which makes
auto-zeroing difficult to implement in a continuous-time amplifier. Chopping,
on the other hand, is a frequency modulation technique in which the signal
and offset are modulated to different frequencies. In this way the offset can be
distinguished from the signal, after which the offset is filtered out. This filter
requirement makes it difficult to design a broadband amplifier.

The chopping technique was already explored in the late 1940s [1.2],
when the signal of an amplifier implemented with vacuum tubes was
modulated using mechanical switches. The auto-zero technique is probably
much older. However, it was implemented in a monolithic amplifier in the
early 1970s [1.3]. Both chopping and auto-zeroing techniques can be
implemented in integrated circuits because of the availability of very good
MOS switches. Dynamic offset compensated operational amplifiers became
commercially available in the early 1980s [1.4] and implementations based on
those early topologies are still available [1.5].

In recent years, many new developments have been made. For instance,
a chopper offset-stabilized operational amplifier with a very good
noise-power ratio has been developed [1.6] and commercialized [1.7], and a
low-offset high-voltage device has been commercialized [1.8]. A more
detailed overview of the many developments in this field will be presented in
chapters 2, 3 and 4.

This book focuses on dynamic offset compensation techniques used in
broadband CMOS amplifiers. In chapter 3 topologies are shown where
auto-zero and chopping techniques are used in multi-path topologies [1.9].
In these topologies a low-frequency path is used to obtain a low offset, while
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a high-frequency path is used to obtain a high gain bandwidth product. This
technique is called offset-stabilization, because, the offset of the high-frequency
path is stabilized by the low-frequency path. The implementations described in
chapters 5 and 6 focus on general-purpose feedback amplifiers with a gain
bandwidth product of approximately 1 MHz and an offset in the pV range. Apart
from operational amplifiers, indirect current-feedback instrumentation amplifiers
[1.10] are also discussed. In contrast to traditional three-operational-amplifiers
instrumentation amplifiers, such amplifiers isolate common-mode input and
output voltages.

1.2 Offset

Before dynamic offset compensation techniques are discussed, it makes sense
to discuss the nature and origins of offset in CMOS amplifiers. Input offset in
a system is generally defined as the input level that forces the output level to
go to zero. For an amplifier, as shown in figure 1-1, the input offset is the
differential input voltage that forces the output voltage to go to zero.

Although offset is a DC parameter it can drift over time and temperature.
This offset drift is usually specified in datasheets. The DC power supply rejection
ratio (PSRR) and common-mode rejection ratio (CMRR) can be defined by:

PsRR=2"20 ang cprr=2Vcx (1-1)
A VOS A os
Vin: Vos-
+ + +
+ e - Vout:0 + - Vout:AVos
Vos i Vos i
(a) (b)

Fig. 1-1  Amplifiers with offset: (a) differential input voltage equal to
input offset voltage forces output to zero, (b) output offset of an
amplifier with shorted inputs.
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Where AV, AV, , and AV, are the changes in power-supply voltage, input
offset voltage, and input common-mode voltage, respectively. From these
equations it can be seen that the offset can also change due to changing input
common-mode and power supply voltages. A 100 dB CMRR means that the
offset will shift 10 pV when the input common-mode changes by 1V.

It can be assumed that variations in the parameters of MOS transistors
causes their drain current to vary, which ultimately causes input-referred
offset voltage. In the following section, the input offset voltage of the
commonly used folded-cascode operational amplifier is analysed. First, the

mismatch dependency of the drain current will be derived.

1.2.1 Drain current mismatch

When operating in the strong inversion region, the drain current of a
MOSFET can be described by:

1 N 2 2
IDzzl’l'Cox—L_(Vgs_VT) = B( Vgs_VT) ) (1-2)

in which p is the charge carrier mobility, C,, is the normalized oxide
capacitance, W is the channel width and L is the channel length of the MOS
transistor, Vr is the threshold function, V, is the applied gate-source voltage
and B is the transconductance factor. The variation in drain current caused by
a threshold voltage mismatch will then be given by:

81, I, W 2lp
2b_ %D _ 4~ ouC. Yy =2 Bl ~ , 1-3
SVT S Vgs Em Ml ox L D B D Vgs _VT ( )

in which g, is the transconductance of the transistor. The variation in drain
current caused by a transconductance factor mismatch can be given by:

8]D~ 2~[£)
S_BN(Vgs_VT) ~B . (1'4)
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When operating in the weak inversion region, the drain current of a
MOSFET can be described by

Vgs 7VT Vgs 7VT Vgx 7VT
V, Vv, V,
Ipxle " :2npcox%vfhe T 4npVie T (1-5)

in which I is the specific current, n is the weak inversion slope factor, and V, is
the thermal voltage, which is approximately 25 mV at room temperature. The
implementations presented in this book were designed with 0.7 and 0.8 pm
MOS processes. For these processes, n has a value of approximately 2. For
more advanced submicron processes this value could approach 1.2. In the weak
inversion region, the variation in drain current caused by a threshold voltage
mismatch will then be given by:

8L, 8l 1,

—_— __=—gnz .
8Vi 8V, " nVy

(1-6)

In weak inversion, the variation in drain current caused by a transconductance
factor mismatch will then be given by:

Vgs_VT
) 2 v, Ip
—=4nV e r—=. 1-7)
SB th B

From equations (1-4) and (1-7) it can be concluded that the effect of the
transconductance factor mismatch is proportional to the drain current in both
weak and strong inversion. Similarly, the effect of threshold voltage mismatch
is proportional to the transconductance of the transistor in both weak and strong
inversion.

1.2.2 Folded cascode amplifier offset

In figure 1-2, a folded cascode amplifier is shown. It can be assumed that the
cascode transistors M;, Mg, Mg, and M, do not contribute to the offset.
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21| /) I Voo

A My g Ve
! Vout
ll ll Nl9:| Mig Va2
Ms Ms Vi3

2 2I| Vss

Fig. 1-2  Folded cascode operational amplifier.

When the effects of the transconductance factor mismatch and threshold
voltage mismatch of the three transistor pairs M;_,, M3 4, and M5 ¢ are
superposed, the offset can be expressed as:

! (A51,2+A53,4+2ABS,
Em1,2 [31,2 B3,4 BS,é

8m3.4 Ems,6
Vos=AV1) 3+ =—=AV 3 4+=——"AV 5 o+
ml,2 ml,2

SN

where AVt and AP are the differences in threshold voltages and transconductance
factors of the indicated transistors respectively. The offset can be minimized
by reducing the transconductance of the current sources M5 and Mg and of
current mirror M3 and My, meaning that they should work in strong inversion.
To obtain an optimal offset the input stage transistors should be given a large
transconductance and their ratio /,/g, should be as small as possible,
meaning that the input transistors M;_, should work in weak inversion, which
indicates that 7,,/g, = V,;n, which is typically 50 mV at room temperature.

1.2.3 Minimizing offset

Variations in threshold voltages and transconductance factors are caused by
mismatch. This is defined as the process of time-independent random
variations in physical quantities of identical designed devices [1.11].
Moreover, it is assumed that the transconductance factors  and the threshold
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voltage V1 have a stochastic variation due to mismatch. The standard
deviation of the threshold voltage may be approximated by:

A2
G(VT)— +SVT ; (1-9)

where 4, and S, are process-related constants and D is the distance
between two transistors [1.11]. Therefore, it can be seen that threshold
variations are inversely proportional to the square root of the transistor area
and proportional to the distance between transistors. The relative standard
deviation of the transconductance factor can be written as

2 A2 A2 A2 A2 A2
OB Dy D @Dt 5D, (1-10)
g2 wiL wit WL WL WL

Where AW, A,, Ac . A, and S; are process related constants and
Aﬁ—AC +A [1.11]. In many processes only 4 is specified, but this is not
sufficient to estlmate the mismatch of transistors with small W or L in which
Ay and A4; are more dominant mismatch sources. The offset of a CMOS
folded cascode gain stage as shown in figure 1-2 is typically 5-10 mV.

If, for all transistors 1n a folded cascode amplifier, AV;<0.5mV,
AB/B<0.15%, g, /= 20V and 8m1.2=58ms.6=10g,;3 4, then the obtained
offset would be V,(<0.95mV. In order to obtain o(V;)<0.125mV, which is
needed to reach a 46 value smaller than 0.5 mV, in a 0.7 pm process where
AV,: 10 mV/um, transistors with an effective area of 6400 umz are needed.
These can be regarded as very large transistors.

Instead of increasing the transistor size to improve offset behaviour, it
can be considered to add extra circuitry for offset trimming or dynamic offset
compensation.

1.3 Challenges

The main topic of this book is to design dynamic offset compensated CMOS
amplifiers, with an approximately 1 MHz gain bandwidth product and an
offset in the pV range. This was already done in [1.4], where an auto-zero
technique was used in a low-frequency path to stabilize the offset of a
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high-frequency path. In this book this technique will be called auto-zero
offset stabilization. It is known that chopper amplifiers have a superior noise
performance but a limited bandwidth because of the filter requirement [1.1]
[1.12]. The main scientific challenge, addressed in this book, is to use the
chopper technique in a low-frequency path to stabilize the offset of a
high-frequency path [1.6] [1.13] [1.14], leading to a superior noise
specification. This technique will be called chopper offset stabilization in this
book.

There are several challenges associated with the design of dynamic
offset compensated amplifiers. The added offset compensation circuitry
probably increases the power consumption, which customers do not like.
Secondly, extra circuitry means extra design time, which design managers do
not like. Although analog designers are generally intelligent beings, their
intellectual flexibility is still limited, and will stay limited. Thus, the more
complex the topology, the more mistakes a designer can make, and the longer
a design cycle takes, or the lower the yield. The die size is somewhat related
to the complexity of a topology. However, in practice, capacitors and resistors
occupy large chip areas. Therefore, the number of capacitors and resistors
used in a design should be limited. To keep power consumption within limits,
a topology should not have too many current consuming blocks. Therefore, in
this work an attempt has been made to design amplifiers with a reasonable die
size, power consumption and complexity.

An additional challenge, addressed in section 6.3, is to obtain a
low-offset voltage for a high-voltage device. In 2003, 5.5 V supply voltage
low-offset wide-bandwidth amplifiers were available [1.5][1.15][1.16].
However, a high-voltage low-offset part was not. Although since 2007, a
low-offset current-sense amplifier has been commercially available [1.8].

In conclusion, the design of a dynamic offset compensated amplifier
should be relatively simple, while the implementation should use a relatively
small silicon area and requires low-power consumption.

1.4 Organisation of the book

This work has been divided into seven chapters and one appendix. Following
this introduction, chapter 2 describes the two dynamic offset compensation
techniques, auto-zeroing and chopping. These two techniques can be
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considered as the only dynamic offset compensation techniques. However,
they have a limited usability in broadband general-purpose amplifiers.
Therefore, chapter 3 goes a step further and describes how these techniques
can be used in multi-path operational amplifiers [1.9] creating broadband
dynamic offset compensated operational amplifiers. This theory will be
extended to current-feedback instrumentation amplifiers in chapter 4. Two
chapters are devoted to the implementation of broadband dynamic offset
compensated CMOS amplifiers. Chapter 5 describes two designs of
operational amplifiers, and in chapter 6 two instrumentation amplifier
topologies are described. The book ends with conclusions and some
recommendation for future research.

The first implementation described in chapter 5 is an operational
amplifier designed as a feasibility study for the chopper offset-stabilization
technique. It operates with an external clock. This amplifier obtained a
submicrovolt offset with external clock frequencies of 4 kHz.

The second operational amplifier discussed in chapter 6 has an on-board
oscillator and draws 300 pA of current, while obtaining a 30 nV/\Hz noise
and a 1 MHz GBW with a 100 pF load capacitance. Both the auto-zero and
chopper technique are used to obtain a low offset. The first instrumentation
amplifier implementation in chapter 6 is actually the same operational
amplifier with an extra input stage to support an indirect current-feedback
instrumentation amplifier topology. It draws 340 pA of current while
obtaining a 40 nV/AVHz noise and a 1 MHz GBW with a 100 pF load
capacitance.

The last implementation discussed in this book is of a current-sense
amplifier [1.17]. Both the auto-zero and chopper technique are used to obtain
an offset of less than 5 puV. It has an input common-mode voltage range from
1.9 to 30 V and a DC common-mode rejection ratio of 143 dB.

In the process of designing these types of amplifiers, the author
experienced critical problems with the layout of the amplifiers. In appendix A
some practical layout issues are discussed, which could help future designs to
be more successful.
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Dynamic Offset
Compensation
lechniques

2.1 Introduction

In this chapter, the theory underlying two dynamic offset compensation
techniques, chopping and auto-zeroing [2.1] will be discussed. These
techniques can be used in the design of both general purpose amplifiers and
dedicated read-out electronics for sensors. By using these techniques the
offset is compensated continuously. Therefore, these also help to reduce offset
drift over temperature or time. Since low-frequency noise and DC offset can
not be distinguished from each other by the dynamic offset compensation
techniques, both techniques also have an effect on low-frequency noise.

A good rule of thumb is that a dynamic offset compensation
technique can be expected to reduce the initial offset of an amplifier by a
factor of 100 to 1000. When a circuit has a very strict offset specification, a
combination of dynamic offset compensation techniques can be used.

Over the years, some confusion has arisen with regard to the naming
of the different dynamic offset compensation techniques. In this book two
techniques are distinguished, namely: auto-zeroing and chopping. These two
techniques are described in this chapter. In chapter 3, offset stabilization will
be introduced. In this technique the offset of a main amplifier is measured

13



Dynamic Offset Compensation Techniques

with a low-offset stabilization amplifier, which generates a correction signal
to compensate for the offset of the main amplifier.

In this chapter, auto-zeroing is discussed first. This technique can also
be described as time-domain modulation of offset, since the offset is measured
at one moment in time, and at another moment the signal is measured, and the
offset is subtracted from the signal. Afterwards, chopping is discussed. This
technique can also be described as frequency-domain modulation of offset. The
input offset and input signal are modulated to different frequencies after which
the modulated offset can be filtered out.

2.2 Auto-zero amplifiers

During auto-zeroing, two phases in time can be distinguished: one auto-zero
phase in which the offset of a system is measured and stored, and one signal
phase in which the signal is amplified and the offset is subtracted from the
signal.

2.2.1 Output offset storage

Probably the simplest way to implement dynamic offset compensation is to
place a capacitor at the output of an amplification stage, as shown in
figure 2-1. The capacitor C; is used to store the output referred offset and
subtract it from the signal. Therefore, this technique is called auto-zeroing
with output offset storage [2.2]. In the literature this technique is also known
as open-loop offset cancellation [2.1]. During the sampling phase F,, S; and
S4 are open and S, and S5 are closed. During the signal phase F{, S; and Sy
are closed and S, and S5 are open.

During the sampling phase F, the voltage over the auto-zero capacitor
C; can be expressed as:

V.

out

1=VC=AVos’ (2'1)

where A is the voltage gain of the amplifier, while during the signal phase F,
the output voltage can be expressed as:

V(mtl = (Vm+ V()S)A and VoutZ = V(mtl -

V.=AV,

in *

2-2)
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S
Fig. 2-1 Auto-zeroed amplifier with output offset storage.

This means that theoretically all offset is cancelled using this method.
However, when the switches are implemented with MOS transistors they will
inject charge into the auto-zero capacitance C;. This charge injection will be
described in more detail in section 2.5. However, it can be assumed that a
charge g;,; is produced by the switch each time it closes, and an equal
negative charge —g;,,; each time it opens.

At the end of the auto-zero phase, switch S; opens and switch Sy
closes. Therefore, a charge injection mismatch qjp;3—Qjyj4 18 fed into the
storage capacitor. Thus:

V= VC=AV0S+(—‘]£'L_”’L'IE-) . (2-3)

o
1

This results in a residual offset of:

(qin[ _qu )
Vos, res = ;xc . . (2'4)
1

The influence of this mismatch on the residual offset can be reduced
by increasing the size of the capacitor. Since the auto-zero capacitor is at the
output of the amplifier, these effects can be divided by the voltage gain when
referred to the input. Leakage from capacitor C; during the amplification
phase also causes residual offset. This effect can also be divided by the
voltage gain.

A disadvantage of auto-zeroing with output offset storage is that the
output range is reduced by 2AV, where V, is the maximal input

S, max > os,max
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offset that can be expected of an uncompensated amplifier. When the voltage
gain is 40 dB and ¥, .. =10mV, then the output range is reduced by 2 V.
Therefore, this technique can only be used in low-gain amplifiers, and not in
high-gain general purpose amplifiers, but it can be useful in custom read-out
electronics. However, a fully integrated amplifier with three cascaded
auto-zeroed amplifiers with output offset storage has been reported in [2.1],
these stages were later chopped as well [2.3].

2.2.2 Input offset storage

There is another auto-zeroing technique that is implemented with input offset
storage [2.2]. This technique is also known as closed loop offset cancellation
in the literature [2.1]. An implementation is shown in figure 2-2. During the
sampling phase F,, S; and S, are open while S, and S5 are closed. During the
signal phase Fy, S; and S, are closed while S, and S5 are open.

During the sampling phase F,, the voltage over the auto-zero
capacitor C; can be expressed as:

y A

ATl

0s

(2-5)

while during the signal phase F; the output voltage can be expressed as:

Vout = (Vm+ Vos_Vc)A = (Vin+A__1|_T VOS)A . (2'6)
Fi ] Vos N
'l S b
V 1 A o~ 0—o
in S4 +

Fig. 2-2  Auto-zeroed amplifier with input offset storage.
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Apart from the finite gain, charge injection is a source of residual offset. The
channel charge of switch S5 will again cause a voltage step across the auto-zero
capacitor C,. Considering the same analysis provided in the previous section,
this results in a residual offset which can be expressed as:

Vos inj
Vos,res = m + 6/—3 : 2-7)
1

The influence of S5 on the residual offset can be reduced by increasing the
size of the capacitor. In addition, the leakage of the capacitor C; during the
amplification phase can cause residual offset. These two effects cannot be
divided by the voltage gain because the auto-zero capacitor is already at the
input. In differential circuits, the residual offset due to charge injection will
also be reduced as will be explained in section 2.5.1.

This technique can be used to auto-zero a high gain operational
amplifier. The residual offset is then dominated by the charge injection.

2.2.3 Auxiliary amplifier

Another technique for auto-zeroing which is less sensitive to charge injection
is depicted in figure 2-3 [2.4]. In many cases, an amplifier will consist of a
transconductance G| with an output impedance R, . This transconductance
G/ has an offset voltage V;. Phase F; is the signal phase in which the input
signal is applied to the amplifier and the output signal is useful. Phase F,
shorts the inputs of G and its offset ¥, causes an output current /; to flow.
This output current is integrated on capacitor C;. This capacitor drives an
auxiliary input transconductance G,, which causes an offset compensating

Fig. 2-3  Auto-zeroing with an auxiliary input stage and an
integrator. The right-hand schematic is commonly used.
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current I, to flow. The loop gain limits the offset reduction. In steady state
during auto-zero phase F, the following equation applies:

V,GR,,+V,G,R
out thus VC= 1~ 1 out 22 out’ (2'8)
1+G,R

out

Ve=V,GR,,,+(V,-V)GoR

out

while during the signal phase F; the following equation applies:

V,G R V,G,R
V(mt= (V1+ Vm)GlRout_VCGZRout= GlRouth+ L L_out L . (2'9)
1+G,R,,, 1+G,R,,
The residual offset due to finite gain can be expressed by:
V V,G,R Vv, V.
v 1 1 22 0ut~_1+_2 (2_10)

.= =+ ~
onrensan 1+G2R GlRout1+G2Rout A2 Al '

out

where A, and V, are the DC voltage gain and offset of G,, which acts as an
auxiliary input of Gy. Except for the limited voltage gain, additional residual
offset is also caused by the charge injection of switch S5 and the leakage of
the capacitor C; during the signal phase. The charge injection causes the
residual offset to become:

Vosresin'=w' (2_11)
GG

The output of G has to switch between the output voltage and the voltage V(-
over the compensation capacitor C;. This voltage step itself can cause settling
problems, which cause voltage spikes. To circumvent these problems another
topology can be used in which C; can be replaced with an active integrator.
This concept is shown in figure 2-4. The amplifier stage G4 used to
implement the active integrator has the same input common-mode voltage as
the output stage G;. The output voltage of G; is bounded at this
common-mode voltage. Capacitor C,, acts as a track-and-hold.
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Fig. 2-4  Auto-zeroing with an auxiliary input stage and an
active integrator to circumvent voltage steps at the
output of G,.

Because of the sampling action, auto-zeroing is a technique which is
not suited for continuous time applications. Auto-zeroing itself is mainly used
in switched capacitor circuits, which are already sampled systems [2.1]. Also
when continuous-time operation is required, a ping-pong architecture can be
used, in which two auto-zeroed amplifiers run parallel to each other, one
being auto-zeroed and one being used to amplify the signal. This architecture
will be discussed in section 3.2.

2.2.4 Noise in auto-zero amplifiers

The auto-zero technique cannot distinguish low-frequency noise from offset.
Therefore, the noise behaviour over frequency of an auto-zeroed amplifier is
also affected. A quantitative calculation of this effect has been provided by
Enz [2.1] [2.5].

Intuitively, it can be assumed that when the amplifier depicted in
figure 2-2 is auto-zeroed, the broadband noise of the amplifier is projected
onto the capacitor C;. At the end of the sampling phase the input offset and
noise voltage are held on the capacitor, which means that all components of
noise above the auto-zeroing frequency will fold back due to aliasing. As a
result, the white noise in this band folds back to below the auto-zero
frequency.
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Fig. 2-5 FEquivalent auto-zero circuit.

According to [2.1] an auto-zero amplifier, as depicted in figure 2-2,
can be seen as the circuit, shown in figure 2-5. In this circuit, V' represents
the noise at the output of the amplifier in the auto-zero phase. It has been
shown in [2.1] and [2.5] that the noise power spectral density (PSD) for the
auto-zero voltage across the switch can expressed as:

Sudh= Y HOTS-2). (2-12)

n=—oo

where |Hn(f)|2 are transfer functions which model the folding effect of each
band n, S\(f) is the noise PSD of V', and T is the sampling period. In other
words infinite noise bands are folded on top of each other to form a new noise
characteristic. Luckily the bandwidth is limited, otherwise the PSD would be
unlimited. The transfer functions can be expressed by [2.1]:

> ofr. sin@rfT)R rl-cosnfTy)P| T
iy = [ 1T X

—=d 2-13
3T T o @13)

s

where d is the duty cycle of hold time in the auto-zero action and for non-zero n

(P =P sin@ndn) sin(2n/T,) P .| 1=cos(@2ndn) 1-cosn/T,) 2 (2-14)
[AnNf = 2rdn  2mfT, 2ndn 2nfT, ’

where Ty, is the hold time during which there is no sampling action. With
these equations it has been proven [2.1] [2.5] that auto-zeroing cancels the
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Fig. 2-6  Sketched noise folding in auto-zeroing d=1.

offset, or the DC component in the noise, and that the low-frequency noise of
the resulting auto-zero amplifier is caused by the noise folding. It has also
been shown that 1/f noise is effectively compensated for when the 1/f corner
frequency is lower than the auto-zero frequency.

Since this looks rather complicated, however, it is advisable to spend
a day or two working with a mathematical program like Maple, Matlab or
Excel, to get a feeling for noise folding before starting a design for an
auto-zero amplifier. Consider, for instance, an amplifier with an equivalent
noise bandwidth equal to five times the auto-zero frequency. This has been
sketched in figure 2-6, where d=1, i.e. for a sampling time of zero seconds.
The side-bands fold back to the DC frequency. In this diagram it can be seen
that the noise is folded nine times, one time for the baseband and four times
for each side-band.

In figure 2- 7a the transfer functions ‘H (f)‘ are sketched for d=1. In
figure 2-7b the ‘H (f)| are sketched for d=0.5. It can be seen that the energy
is more spread out over frequency. In figure 2-8 the noise folding has been
sketched for d=0.5. The PSD amplitude around DC has been reduced by
approximately d?, and it can be seen that the PSD hits half the white noise
level at 2fT,. The noise reduction can be explained by the noise power
spreading out over a wider bandwidth. It is essential to note that this is the
simulated noise PSD over the capacitor C; in figure 2-2, and that the input
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Fig. 2-7 |H0(f)|2 sketched for n=0,1,2,3,4 with (a) d=1 and (b) d=0.5.

signal power seen by the amplifier is also multiplied by the duty cycle d.
Therefore, the equivalent PSD seen by the input signal at low frequencies can
be expressed as:
1) _S42(f)
Seq,AZ(f'< r-l—_~) = d . (2-15)

This does not mean that the input noise power is reduced by increasing d.
It only means that the noise PSD should be reduced for low frequencies. From
figure 2-8, it can be concluded, that around two times the auto-zero frequency
the input referred PSD of auto-zero amplifiers with a 50% duty cycle is equal
to the white noise level of the amplifier.

During the auto-zero phase, when the amplifier is in a unity-gain
setting, the equivalent white noise bandwidth is 0.5ng,/C;, where g, is the
transconductance of the amplifier and C; is the auto-zero capacitor. When all
equivalent white noise is folded back to the base-band, then it can be assumed
from the analysis above that the auto-zero amplifier for low frequencies, i.e.
£<0.5/T, has a folded white noise floor of:

dT
qun e dﬂ', Em T V2 vngZ

e 2m2C, S T o4, T (2-16)
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Fig. 2-8  Sketched noise folding in auto-zeroing d=0.5.

This means that the white noise folding can severely harm the low-frequency
characteristics. For instance, if a transconductance of 200 pA/V is auto-zeroed
on a 10 pF capacitor with a duty-cycle of 50%, then the —3dB bandwidth is
3.18 MHz, and the equivalent white noise bandwidth is 5 MHz. If the
auto-zero frequency is 10 kHz, the noise at low frequencies would be a factor
250 larger than the white noise power, and for the noise signal voltage this
would be a factor /250 ~16 . In the next section it will be shown that chopped
amplifiers do not have this drawback.

2.3 Chopper amplifiers

While in auto-zero amplifiers the offset and input signal are time-modulated,
in chopper amplifiers they are frequency-modulated. In chopper amplifiers
the signal of interest and the offset signal are shifted to different frequencies.
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Fig. 2-9  Chopper amplifier.

In figure 2-9 a chopper amplifier is shown [2.1] [2.6]. This amplifier
consists of a frequency modulator, or chopper CH;, a voltage amplifier A,
another chopper CH,, and a low-pass filter (LPF). The chopper symbol is also
depicted, which is a polarity switch driven by a square wave with a chopper
frequency F.

The idealised waveforms are depicted in the time domain in
figure 2-10. The first chopper is used to modulate the input signal to a higher
frequency. Then the amplifier amplifies the modulated signal superposed on
its own input noise sources. Lastly, the second chopper demodulates the
amplified input signal, and also modulates the output noise and offset of the
amplifier A;.

The limited bandwidth of the amplifier A; is a fundamental cause of
switching glitches, because the input signal is modulated almost ideally,
while the amplified signal V), is slightly delayed when it is demodulated,
causing high frequency glitches. The combination of non-zero offset and the
chopper action also give rise to a chopper ripple, which has the same
frequency as the chopper clock and is proportional to the offset of the

Vin Va Vb Vout lef

— ——_FH:H; +— g +———

77777777777 VOS
{1 AsVos

Fig. 2-10 Idealised waveforms of a chopper amplifier in the time
domain (gain=A;=3).
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amplifier and the 3dB frequency of the LPF. The LPF can also be
implemented with a sample-and-hold [2.7].

2.3.1 Noise in chopper amplifiers

When a low-pass filter is used after the chopper amplifier, the chopper ripple
and low-frequency noise can be filtered. CMOS amplifiers usually have a
high DC input offset voltage and 1/f noise. To reduce the 1/f noise, the
modulation or chopper frequency chosen should be higher than the 1/f corner
frequency [2.1]. This is illustrated in figure 2-11. In this figure it is shown that
the signal is modulated, and that noise and offset is superposed on this
modulated signal. Afterwards the signal, noise and offset are modulated. This
means that the signal is demodulated, after which the signal can be filtered
out.

From this analysis it can be concluded that the chopper technique
completely reduces the 1/f noise when the chopper frequency is higher than
the corner frequency of the 1/f noise. In practice the noise level of a chopper
amplifier is slightly higher than the thermal noise level. However, the need to
suppress the chopper ripple means that only a low bandwidth is obtainable
with a chopper amplifier.

V. V modulated
n a offset & Signa|

signal .
/ 9 noise /
‘I
\

V demodulated
out signal V/pf
/ » demodulation

artifacts
non linearities

modulated |
offset & " / \ . .

: RN -~ white noise
-noise  --- ERRANERN D

Fig. 2-11 Idealised waveforms in the frequency
domain of a chopper amplifier.
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2.3.2 Chopped operational amplifier in a feedback network

It is helpful in the understanding of chopper amplifiers to examine a chopped
operational amplifier in a feedback network more closely. In figure 2-12, a
chopped operational amplifier A is depicted [2.8]. Resistors R; and R, are
used as feedback resistors, CH; and CH, are the modulators and LPF the
low-pass filter, as discussed in the previous section. The idealised waveforms
are depicted in figure 2-13.

In this analysis it is assumed that the gain and bandwidth of the
operational amplifier are infinite. The input of A; is at virtual ground because
of the infinite open loop gain. Thus, the offset voltage V; is visible at the
output V; of the input chopper CH;. This offset is modulated towards the
input V. of chopper CH;, therefore it is actually visible as a square wave
where, in the case of a normal operational amplifier, a virtual ground would

R

R2| CH; V; CH, I
+ h=e, E

X Tvout LPF _:Vlfp

=
<
X
<
. >

Fc Fc
Fig. 2-12 Chopped operational amplifier in a feedback network.

Vin Ve Va Vout lef

offset

signal chopped
offset

Fig. 2-13 Idealised waveforms in the time domain of a chopped
operational amplifier in a feedback network for (gain=3).
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be expected. The output V,,; of the chopper amplifier can now be expressed
by:

Vie Ve R, R
v =VC——R1=—V,-n—+VC(1+—). (2-17)
RZ R2 R2

This means that the operational amplifier ripple at the output has an effective
amplitude of offset //; times the feedback gain factor.

The conclusion which can be drawn from this analysis is that the
chopper ripple of a chopped operational amplifier in a feedback network is
visible at the input of the first chopper. This insight will be used in the
explanation of chopper offset-stabilized chopper amplifiers discussed in
section 3.4.

2.3.3 Charge injection effects in chopper amplifiers

The charge injection of chopper amplifiers on a differential chopper amplifier
will be discussed. In these amplifiers the residual offset is mainly caused by
the charge injection mismatch from the clock lines to the input and output of
the amplifier that is chopped. In figure 2-14 this is modelled with cross talk
capacitors Cy to Cy4. The resistors Ry and R, model the on-resistance of the
switches used in the chopper and the source resistance.

First the effect of the mismatch between C; and C, will be analysed.
When both lines are loaded with identical cross talk capacitors, no residual
offset will occur since it will be a common-mode spike. However, if there is a
slight mismatch between the two capacitors, a differential component will
also appear at V,, which will translate into a residual offset, because these
spikes are actually demodulated by the input chopper towards the input [2.6].

R, CH, { CH»
+o—1— —|—° —o
Vi_n >< VGT i% Vb—f >< TVout LPF :ovlfp

R> _u)")* G, cx&"’&
VFCC

Fig. 2-14 Charge injection model in a chopper amplifier.
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Fig. 2-15 Illustration of residual offset caused by demodulated
spikes caused by a mismatch between C; and C,.

This effect is illustrated in figure 2-15.Therefore, each time the chopper clock
switches charge is being injected into the input, this differential charge can be
expressed by:

qinj=(C1_C2)VF ) (2-18)

where V' is the driving voltage of clock VFc. This charge is applied two
times the per clock period. This means that a current will run through the
resistors R; and R,. So the residual offset can be expressed by:

V()s,rexl = 2(Rl +R2)(C1 _CZ) VFFC ’ (2'19)
where Fi is the chopper frequency. This means that the residual offset
increases with increasing chopper frequency. However, the chopper
frequency needs to be higher than the 1/f corner frequency to obtain optimal
noise performance.

For example the residual offset per unit of capacitance for a 20 kHz
chopper frequency, an on-resistance of 5 kQ2 with no source impedance and a
5 V driving voltage, would be 2 pV/fF.

Secondly the effect of the mismatch between C; and C, will be
analysed. Also the capacitors C3 and C4 depicted in figure 2-14 can cause
residual offset. When C3=C, no residual offset will occur, since it will be a
common-mode spike. However, if there is a slight mismatch between the two
capacitors, a differential current spike will appear at V, and thus a differential
voltage spike will appear at V,, which will translate into a residual offset,
because these spikes are actually demodulated by the input chopper towards
the input [2.6]. This effect is illustrated in figure 2-16.
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Fig. 2-16 Illustration of residual offset caused by demodulated
spikes caused by a mismatch between C3 and Cy.

This leads to an extra residual offset which can be expressed by:

ey = 2 CVie (2-20)
s Gl

where G is the transconductance of the chopped amplifier. It can be seen that
higher transconductance amplifiers will be less vulnerable to the mismatch of
C; and C,4. For example for a 20 kHz chopper frequency, a 100 pA/V
transconductance, and a 5 V driving voltage the residual offset per unit of
capacitance would be 2 pV/fF. The residual offset caused by the charge
injection can be expressed as:

v 14

os,res — " os,resl +

y

os,res2

2-21)

This implies that effort has to be put into the layout of differential
choppers and clock lines when designing a chopper amplifier, because the
metal to metal capacitance of signal lines can be in the order of fF’s.

2.4 Chopped auto-zeroed amplifier

As already discussed in section 2.2.1, a fully integrated amplifier with three
cascaded auto-zeroed amplifiers with output offset storage has been reported
[2.9]. Subsequently, these stages were also chopped [2.3]. This implementation
achieved an input referred offset of less than 5 V. Theoretically, the combination
of auto-zeroing and chopping would have a better offset performance because the
residual offset of the auto-zero amplifier is being chopped. Practically in some
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applications the charge injection of the chopper is the dominant source of
residual offset, and auto-zeroing will only have a small effect on the residual
offset.

However, there is also an effect of the noise, because the folded white
noise can be modulated as well. This reduces the effect of folded white noise.
In figure 2-8 it is shown that an auto-zero amplifier with a 50% duty cycle has
a minimum in the noise PSD at two times the auto-zero frequency. This
means that if an auto-zero amplifier running with a 50% duty cycle is chopper
modulated with the double auto-zero frequency, that the noise around DC
would then be optimal. This has been sketched in figure 2-17. Note that in an
implementation, the chopper and the switches driven by F; can be combined.
The reduction in noise at low frequencies as well as the rise in noise towards
the chopper frequency is sketched in figure 2-18.

F1 C1 _ VOS+ F_1 F‘| on
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Fig. 2-17 A chopped auto-zero amplifier, with an auto-zero duty cycle of

50% and a chopper frequency two times higher than the
auto-zero frequency.
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Fig. 2-18 General output PSD of different kind of dynamic offset
compensation techniques [2.10].
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The folded noise can be modulated to even higher frequencies by
using a higher chopper frequency. During each signal phase the polarity of
the chopper should be positive and negative for an equal time, to average out
the noise contribution, that is sampled during each auto-zero phase.
Therefore, optimal noise at low frequencies will be achieved when:

FC=§F1 and n=1,2,3 ... (2-22)

The technique of using both an auto-zero and a chopper technique was used in
[2.10].

2.5 Switching non-idealities

All the dynamic offset compensation techniques presented in this work have
one thing in common: CMOS transistors are used as switches. Therefore, the
non-ideal behaviour of CMOS switches needs to be discussed.

An ideal switch is an element that does or does not allow a signal
through depending on the driving signal. In other words, when it is open or
off the impedance is infinite, and when it is closed or on the impedance is
zero. Furthermore, there is no delay between the driving signal and the switch
action.

In reality a CMOS switch has a non-infinite impedance R ¢ when it is
off and a non-zero R,, impedance when it is on. This R is typically
100 MQ while R, can be as high as 10 k2 for minimum size switches.
A voltage drop will thus occur when current is flowing through an open switch.
In these cases the R, needs to be taken into account.

Secondly, there is a small time delay between the signal driven to the
gates of the switch and the switching action. The main cause of delay is the
relatively big capacitance of the clock line. To avoid delay time differences
between lines it is better to balance the clock-line capacitances, i.e. to make
clock lines the same size.

However, the main problem for dynamic offset compensation circuits is the
so-called charge injection. This charge injection is caused by two phenomena:
parasitic capacitive feed-through and the redistribution of channel charge.
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Fig. 2-19 Charge injection model.

In figure 2-19 the channel charge injection and parasitic capacitive
feed-through are modelled. When the transistor is open, a layer of minority
carriers exists under the gate between the source and drain of the transistor.
This charge can be expressed for a NMOS switch as:

qinj, ch= (VgS_VT)WLCOX : (2'23)

For a minimum size switch in a 0.7um process, the values that can be found
are W=1um, L=0.7 um, V1r=0.7V and V, =55V Cy =2 fF/um?, which
leads to g, ., =6.72 fC. This charge can cause a 6.72mV voltage step on a 1pF
capacitor.

This channel charge has to go somewhere when the transistor is
turned off. Depending on the structure of the switch and the loads at the drain
or source, it will partly flow into the load of the drain and partly into the load
of the source. The charge currents /;,;; and I;,;; disturb the drain and the
source respectively.

The parasitic capacitive feed-through can be modelled by
gate-to-source Cgq, gate-to-drain Cgq, and gate-to-bulk capacitances Cgy,
which means that the gate signal not only drives the on or off state of the
transistor but it also disturbs the drain, source and bulk of the transistor. The
gate-source capacitance charge injection can be expressed by:

Ginj,c=AVgCyy (2-24)
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where AV, is the voltage swing over the parasitic capacitance. Note that Cy
is the sum of all capacitances from driving (gate) lines to signal (source) lines.
Both the capacitive feed-through and the redistribution of channel charge
effects have a linear dependency on V. This also means that changes in the
source and gate voltage have an effect on the residual offset, which implies
that charge injection is also a limit to the DC power supply rejection ratio
(PSRR) as well as the DC common-mode rejection ratio (CMRR).

From a designer’s point of view the two effects are not
distinguishable from each other since they both happen at the moment of
opening or closing of the transistor. Therefore, they are both considered to be
charge injection. In this work some practical layout issues are discussed in
appendix A to avoid disastrous clock feed-through effects.

2.5.1 Charge injection reduction tactics

As already mentioned in the analysis of the residual mismatch due to
mismatch in section 2.2, an effective method to reduce residual offset caused
by charge injection is to use bigger capacitors as auto-zero capacitors.
Another similar way is to minimize the charge injection by using minimum
size transistors as switches. However, in some applications a minimum size
switch will have a too high R,,. In this section some other ways to cope with
the charge injection challenge are presented.

Dummy switches

Charge injection of a main transistor (M; in figure 2-20) can be removed by
means of a second dummy transistor (M, in figure 2-20). Generally, there are
two ways to implement a dummy switch [2.11]: It can be connected in series
with the switch or in parallel. This is shown in figure 2-20, where Cy is
modelled to be charged with the charge injection of the switches.

In figure 2-20a this is done by putting a second transistor of half the
width in series with the main transistor. The idea is that, when closing M,
half the charge injection would go towards Cyyand ¥, and that the other half
would go towards V;,. A transistor of half the size driven by the opposite
clock signal would remove the charge injection going into Cy.

Unfortunately, because of asymmetry in the layout of the switch and
the unequal load impedances at the drain and source, the assumption of equal
splitting of charge between source and drain is generally not true [2.11].
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Fig. 2-20 Charge injection cancellation of a NMOS switch with
dummy switches. (a) Half width NMOS in series (b)
PMOS in parallel.

In figure 2-20b a second transistor is used in parallel to the main
transistor. The idea is that while the main transistor M; closes, also the second
transistor M, closes, and that the PMOS charge injection consisting of holes
compensates for the charge injection of the NMOS switch consisting of
electrons. The PMOS transistor in figure 2-20b will, in first order, only
remove the channel charge injection component at one V;, voltage. This
voltage can be expressed by solving the following equation:

( VFC_Vin,apt_VT,n)WLCOX = _(_Vin,opt_VT,p)WLcox d (2'25)
Vie=Vy =V,
which leads to V,, =-—fc—Tn Tp (2-26)
in,opt 2

Furthermore, the parasitic capacitive feed-through overlap capacitances
of NMOS and PMOS are not equal. As a result, the total charge injection effect
will differ from equation (2-25). In conclusion, the use of dummy switches will
never totally cancel charge injection. Nevertheless, it does reduce charge
injection.

Differential circuits

Another way to deal with charge injection is to use differential circuits. The
charge injection in a fully differential structure is, first of all, a common-mode
issue. Only the charge injection mismatch will cause a differential signal. This
has already been discussed section 2.3.3.
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Fig. 2-21 Differential sampling circuit with charge injection.

In figure 2-21 a differential sampling circuit is depicted. In this figure
when both g;,;; and g;,,;, are equal, they do not have a consequence on the
differential charge and thus do not influence the differential voltage over Cy.
Only the differential charge injection or charge injection mismatch will have
an effect. This charge injection mismatch is expected to be much smaller than
the absolute charge injection.

From equation (2-23) it can already be concluded that a differential
input voltage would already lead to a charge injection mismatch, since the Vi
of M is not equal to the Vg, of M, [2.11]. This charge injection can be
expressed as:

Aqinj, Vin = Qinjl _qian = WLCOX( VinZ_Vinl) . (2'27)

This also implies that an auto-zero or chopper amplifier with a higher
offset has an increased charge injection problem. Therefore, a combination of
dynamic offset compensation techniques would lead to lower residual offsets.

Mismatch of the parasitic capacitances from gate lines to source lines
is critical. Any systematic parasitic capacitance due to layout asymmetry
would lead to residual offset. This has already been analysed for a chopper
amplifier in section 2.3.3.

When equation (2-23) is investigated, it can be concluded that the W,
L, Cyx and threshold mismatch leads to channel charge mismatch. Mismatch
characteristics of minimum size or small MOS switches are usually not
available. However, if the charge injection of a MOS transistor is proportional
to the area [2.12], then it can be assumed that the mismatch is proportional to
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the square root of the area. This would imply that minimum size switches are
the best choice to minimize channel charge injection.

The use of dummy transistors in differential dynamic offset
compensated circuits does not reduce residual offset, because dummy
switches will only compensate for the absolute charge injection, which causes
common-mode charge injection. However, dummy switches do cause more
charge injection mismatch, because their use increases the effective area of a
switch, which causes more residual offset.

Fixed voltage swing

The most straight forward approach is to use digital signals to operate the
switches of dynamic offset compensated circuits. However, in equations
(2-23) and (2-24) it can be seen that the charge injection is dependent on the
voltage swing with which the switch is driven.

This would mean that if the switch were driven with a digital signal,
then the DC PSRR and DC CMRR would roughly be limited from around
100120 dB. There are ways to implement circuits that limit the voltage swing
driving the switches independently from the power supply voltage. In this
book the implementation of a dynamic offset compensated current-sense
amplifier is described in section 6.3. The input common-mode (CM) voltage
Vincpe Tanges from 2 to 28 V. The input PMOS switches are driven from
Vinew t0 Viueps=2 'V by a level shift circuit. This technique achieves a 143 dB
CMRR over the full input CM range and it even achieves a 152 dB CMRR
when the CM ranges from 5 to 28 V. The same amplifier also has a reference
input, which has a common-mode range from 0 to VDD-1.5 V. This input is
modulated with a normal digital signal from O to VDD. The CMRR from this
input voltage is 120 dB.

2.5.2 Charge injection suppression circuits

In this section three circuits will be discussed, in which charge injection
reduction techniques are used. These techniques are: nested chopping, spike
filtering, and the use of dead band. All these techniques have been
implemented in chopper amplifiers.
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Fig. 2-22 Nested chopper amplifier principle.

Nested chopper

From equation (2-19) it can be seen that the residual offset due to mismatch
is proportional to the chopper frequency. In the nested chopper technique this
residual offset is also chopped.

In figure 2-22 the nested chopper amplifier principle is shown. The
inner choppers CH;y and CH,y run at a frequency Fy. This frequency can
be chosen optimally for noise, i.e. F-y should be chosen higher than the 1/f
corner frequency. This high frequency will lead to a relatively high residual
offset. The nested choppers CH;; and CH,; modulates this residual offset at
a low frequency Fcp, which strongly reduces the offset. The frequency F,
can be chosen optimal for the input signal. Thus, the nested choppers reduces
the charge injection of the inner choppers. With this technique a 100 nV
offset was obtained with Fry=2 kHz and F- =15,6 Hz [2.13].

This amplifier now has two ripples at the output. One ripple is caused
by the offset of the amplifier A, which is modulated with the frequency Fy.
The other ripple is caused by the residual offset, which is modulated at
frequency F¢p . To filter this ripple a LPF is needed with a -3 dB frequency
smaller than Fcp. This makes this technique useful in low frequency
applications, like custom sensor read out electronics, such as implementations
of fully integrated Hall-sensors [2.14] and temperature sensors [2.15] [2.16],
but not for general purpose amplifiers.

Spike filtering

When it is assumed that charge injection causes residual offset, and that
charge injection is an effect which occurs during the switching action of a
switch, then it can also be assumed that the charge injection causes voltage
spikes with high frequency. It can be assumed that the spikes have spectral
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Fig. 2-23 Modulated signal and spike harmonics.

components on the odd harmonics of the chopper frequency [2.5]. This is
sketched in figure 2-23, which implies that the spikes can be filtered by
making the amplifier A; in figure 2-9 selective for specific frequencies.

An amplifier using this technique is illustrated in figure 2-24. A
low-pass filter was used in [2.17]. A thorough analysis of this technique can
be found in [2.5], in which it is concluded that the optimal choice is a second
order low-pass or band-pass filter with a cut off frequency of two times the
chopper frequency. An implementation with a band-pass filter can be found
in [2.1]. This implementation was improved in [2.18], where a band-pass
filter was matched with the chopper frequency generator so that the input
offset voltage could be reduced to 0.54 pV.

This technique leads to amplifiers having a bandwidth equal to the

chopper frequency or less. This is useful for custom amplifiers in sensor read
out circuits.

Ri CHi LPF cHz
= |—o——] mny
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Fig. 2-24 Chopper amplifier with a frequency selective amplifier to
improve residual offset by filtering spikes.
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Delayed modulation and guard band

Instead of putting effort into filtering the spikes in the frequency domain, it is
also possible to filter the spikes in the time domain. In figure 2-25a, a
modulated amplifier is shown consisting of a modulator M, amplifier A;, and
demodulator D.

In figure 2-25b, a delayed demodulation scheme is shown. The idea is
that when the shape of the voltage spike is known, a fixed delay can be used
to allow the demodulated spike to have an average value of zero. Thus, the
spike is used to compensate for itself. This has been successfully
implemented [2.19] by using a low-pass filter behind the amplifier to shape
the spikes. It achieved a 1 pV offset with a 6 kHz modulator frequency.
However, a mismatch between the shape of the spike and the delay still
causes residual offset.

Another approach, which is simpler to implement, is shown in
figure 2-25c. In this dead-band or guard-band approach, the output voltage is
not modulated while the spike is present. This technique has been used in
[2.20] [2.21] and [2.14] for custom read out electronics for sensors. In one
implementation [2.21], an amplifier with an average 200 nV input offset was
realised.

In [2.14] a nested chopper technique was used. This implementation
used a guard-band for the inner chopper and a partially digitally-implemented

Fig. 2-25 (a) Modulated amplifier, (b) delayed demodulation clock
diagram, (c) dead band clock diagram.
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nested chopper to obtain a 3.65 uT 3o offset Hall sensor, which is equivalent
to an input voltage offset well below 200 nV.

2.6 Conclusions

In this chapter, two offset compensation techniques have been described:
Auto-zeroing and chopping. The first one can be described as a time domain
technique, the latter as a frequency domain filtering technique. They lead to a
significantly different noise performance for low-frequency noise.

In addition, switch non-idealities of MOS transistors were discussed,
since both techniques use MOS switches. The major cause of residual offset
is charge injection, and design tactics as well as a couple of circuit-level to
minimise the charge injection were discussed. Making use of differential
circuits seems the best design tactic to reduce charge injection effects.

2.7 References

[2.1] C.C. Enz, G.C. Temes ‘“Circuit techniques for reducing the
effects of op-amp imperfections: autozeroing, correlated
double sampling, and chopper stabilization”, Proc. IEEE, pp.
1584-1614, Nov. 1996.

[2.2] B. Razavi, B.A.Wooley, ‘Design techniques for high-speed,
high-resolution comparators”, I[EEE JSSC, pp. 1916-1926,
Dec. 1992.

[2.3] R. Poujois J. Borel, “A low drift fully integrated MOSFET
operational amplifier”, IEEE JSSC, pp. 499-503, Aug. 1978.

[2.4] M. Degrauwe, E. Vittoz, I. Verbauwhede, “A micropower
CMOS-instrumentation amplifier”, /[EEE JSSC, pp. 805-807,
June 1985.

[2.5] C.C. Enz, “High precision CMOS micropower amplifiers”,
Ph.D. Thesis, These No. 802, Ecole Polytechnique Federale de
Lausanne, http://library.epfl.ch/en/theses/nr=802, 1989.

[2.6] A. Bakker, J.H. Huijsing, “High-accuracy CMOS smart
temperature sensors”, Dordrecht: Kluwer, 2000.

40



References

[2.7] A. Bakker, J.H. Huijsing, “A CMOS chopper opamp with
integrated low-pass filter”, Proc. ESSCIRC, pp. 200203, Sep.
1997.

[2.8] K.C. Hsieh, P.R. Gray, D. Senderowicz, D.G. Messerschmitt,
“A low-noise chopper-stabilized differential switched-
capacitor filtering technique”, IEEE JSSC, pp. 708-715, Dec.
1981.

[2.9] R. Poujois B. Baylac, D. Barbier, J. Ittel, ‘Low-level MOS
transistor amplifier using storage techniques”, [EEE ISSCC,
pp. 152153, Feb. 1973.

[2.10] A.T.K. Tang, “A 3uV-offset operational amplifier with
20nV/,/Hz input noise PSD at DC employing both chopping
and autozeroing”, IEEE ISSCC, pp. 386-387, Feb. 2002.

[2.11] B. Razavi, “Design of analog CMOS integrated circuits”,
McGraw-Hill, International edition, 2001.

[2.12] M.J.M. Pelgrom, A.CJ. Duinmaijer, A.P.G. Welbers,
“Matching properties of MOS transistors”, IEEE JSSC, pp.
1433-1439, Oct. 19809.

[2.13] A. Bakker, K. Thiele, J.H. Huijsing, “A CMOS nested-chopper
instrumentation amplifier with 100-nV offset”, IEEE JSSC, pp.
1877-1883, Dec. 2000.

[2.14] J.C. van der Meer, F.R. Riedijk, E. van Kampen, K.A.A.
Makinwa, J.H. Huijsing, “A fully integrated CMOS hall sensor
with a 3.65uT 3o offset for compass applications”, /IEEE
ISSCC, pp. 246247, Feb. 2005.

[2.15] M.A.P. Pertijs, K.A.A. Makinwa, J.H. Huijsing, “A CMOS
smart temperature sensor with a 3¢ inaccuracy of 0.1°C from
-55°C to 125°C”, IEEE JSSC, pp. 28052815, Dec. 2005.

[2.16] K.A.A. Makinwa, MF. Snoeij, “A CMOS
temperature-to-frequency converter with an inaccuracy of less
than 0.5°C 3c from 40°C to 105°C”, I[EEE JSSC, pp. 2992-2997,
Dec. 2006.

[2.17] C.C. Enz, E.A. Vittoz, F. Krummenacher, “A CMOS chopper
amplifier”, IEEE JSSC, pp. 335342, June 1987.

[2.18] C. Menolfi, Q. Huang, “A fully integrated, untrimmed CMOS
instrumentation amplifier with submicrovolt offset”, IEEE
JSSC, pp. 415-420, Mar. 1999.

41



Dynamic Offset Compensation Techniques

[2.19] C. Menolfi, Q. Huang, “A chopper modulated instrumentation
amplifier with first order low-pass filter and delayed
modulation scheme”, Proc. ESSCIRC, pp. 54-57, Sep. 1999.

[2.20] A. Bilotti, G. Monreal, “Chopper-stabilized amplifiers with a
track-and-hold signal demodulator”, I[EEE Trans. Circuits and
Systems I, pp. 490495, Apr. 1999.

[2.21] Q. Huang, C. Menolfi, “A 200nV offset 6.5nV//Hz noise PSD
5.6kHz chopper instrumentation amplifier in lum digital
CMOS?”, IEEE ISSCC, pp. 362363, Feb. 2001.

42



Dynamic Offset
Compensated
Operational Amplifiers

3.1 Introduction

Typical sensor output signals are in the microvolt range and have bandwidths
ranging from DC up to a few kilohertz. Boosting such signals to levels
compatible with typical analog-to-digital converters requires low-offset
operational amplifiers with gain-bandwidth (GBW) products of a few
megahertz. For example, implementing an amplification of 40 dB with a gain
accuracy of 1% and a bandwidth of 1 kHz calls for a low-offset operational
amplifier with a GBW of at least 10 MHz. Achieving such GBW products in
combination with a microvolt-level input offset voltage is not straightforward.

In the previous chapter, two dynamic offset compensation techniques
were discussed: chopping and auto-zeroing. Chopping is a frequency
modulation technique, which requires low-pass filters in the signal path to
filter chopper ripple out. Therefore, chopping alone is not suitable for
broadband applications. Auto-zeroing is a time domain technique in which
the offset is measured and afterwards subtracted from the signal. Therefore,
this technique alone is not suitable for continuous-time operation. However,
in this chapter it will be shown that, by using these techniques in multi-path
topologies, broadband continuous-time amplifiers can be realized.
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3.2 Ping-pong operational amplifier

As described in the previous chapter, the auto-zero technique is not directly
suitable for use in a continuous-time general purpose amplifier. During the
sampling of the offset, it is necessary to take the amplifier out of the signal
path. Therefore, implementations of amplifiers have been developed which
sample the offset during start-up or at the request of a user [3.1] [3.2]. This
has the advantage that there is no signal aliasing effect, because during
operation there is no switching action. However, there is also no effect on 1/f
noise and offset drift due to temperature changes during operation.

Another way to make a continuous-time amplifier by using the
auto-zero technique is the ping-pong technique [3.3]. A ping-pong auto-zero
operational amplifier uses two auto-zero amplifiers, which run in parallel to
each other. While one is being auto-zeroed the other one is used to amplify
the signal (figure 3-1). This way a continuous-time broadband operational
amplifier is created by time-domain multiplexing two auto-zero amplifiers.
One of the amplifiers is always present to allow accurate and stable feedback.
This technique was used to implement a rail-to-rail input [3.4]. This technique
was also implemented with a SAR ADC and digital offset storage [3.5].

A combination of this ping-pong technique together with the chopper
technique has been used to obtain a 20 nV/NHz noise PSD for <1 kHz
operational amplifier [3.6] [3.7]. A disadvantage of the ping-pong technique
is that spikes are caused because the voltages V;,; and V), at the output of the

ST
T l' —l-/vb’ i/“b
in !
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Fig. 3-1 Concept of a ping-pong amplifier.
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input amplifiers have to switch between the offset compensating voltages V.;
and V., and the voltage required at the input of the output amplifier V,,. This
results in spikes at the output. This effect can be reduced by replacing C; and
C, with active integrators with the same input common-mode voltage as the
output stage Gs. Nevertheless, spikes still remain because switching occurs
within the signal path. This effect can be reduced by using a multi-path
technique in which a signal path does not have any switches. These
techniques will be discussed in the next section.

Implementations of ping-pong amplifiers with a multi-path structure
are also commercially available [3.8]. In these amplifiers the ping-pong
amplifier works in a low-frequency path and a high-frequency path is never
disconnected from the signal path [3.9].

3.3 Offset-stabilized amplifiers

Offset-stabilization is another technique with which a dynamic offset
compensated broadband amplifier can be designed. In this technique an
auxiliary amplifier is used to compensate for the offset of a main amplifier
which is never disconnected from the signal path. In figure 3-2 the basic
concept of offset-stabilization is sketched. A main operational amplifier G,
with an offset V,,, is being offset-stabilized by a stabilizing amplifier G, with
a hypothetical offset of 0 V. Stage G,,,, acts as an auxiliary input of the main
amplifier. Stabilizing amplifier G, applies a voltage to the inputs of Gy,
which drives a current to the output of G, to compensate for its input offset

Ri
R, V-
+ ¥ -
‘/in _Va IGm + +
11 ' Vour
1l

6> fon

Fig. 3-2  Offset-stabilized amplifier concept, where G,
compensates for the offset G,, via G,,,.
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voltage. The resistors R; and R, have been added to indicate a feedback
network

It is important to note that this technique only works in negative
feedback amplifiers. In a feedback configuration the differential input voltage
V, of G, is substantially equal to the offset V,,. The amplifier G,, measures
this voltage and drives it to zero by applying a signal to G5, that acts as the
auxiliary input of G,. The residual offset due to finite gain of the combined
amplifier can then be expressed as:

A
Vos res,gain’ . Vos > (3'1)
rens AnAmZ

where A, A, and A, are the DC voltage gains of the stabilizing amplifier
G,,, the main amplifier G, and the auxiliary input of the main amplifier G,
respectively. It can be concluded from this that the combined voltage gain of
the stabilizing amplifier and the auxiliary input of the main amplifier has to be
much larger than the voltage gain of the main amplifier. Reducing a 10 mV
worst-case offset voltage to a 1 uV residual offset, while the voltage gain of
auxiliary input of the main amplifier is ten times lower than the voltage gain
of the main amplifier itself, would require a minimum voltage gain of the
stabilizing amplifier of 100 dB.

This topology can also be seen as a multi-path amplifier in which the
cascade of the stabilizing amplifier and the auxiliary input of the main
amplifier form the high-gain low-frequency path, and the main amplifier itself
is the high-frequency path. Low-frequency characteristics will, therefore, be
determined by the stabilizing amplifier. In that case, for instance, the low
frequency noise is determined by the noise of the stabilizing amplifier G,
while the unity gain frequency is determined by the main amplifier Gy,

Since the low-frequency path has a certain bandwidth, the
offset-stabilization loop cannot distinguish 1/f noise from offset. Therefore,
the stabilizing loop of an offset-stabilized amplifier will also reduce the 1/f
noise of the main amplifier.

The stabilizing amplifier has to be a low offset amplifier. Therefore, it
can either be implemented by using the auto-zero or chopper technique.
Therefore, two offset-stabilization methods can be distinguished: auto-zero
offset-stabilization and chopper offset-stabilization. Combinations of these
techniques can also be used. These will be discussed in the next sections, and
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implementations of offset-stabilized amplifiers are presented in chapters 5
and 6.

3.3.1 Auto-zero offset-stabilized amplifiers

A diagram of a system using auto-zero offset-stabilization is shown in
figure 3-3. During phase F, the stabilizing amplifier G, samples its own
offset voltage. In this phase stabilizing amplifier G,, measures its own offset
voltage and stores an offset compensating voltage on capacitor C;. According
to the theory discussed in section 2.2.3, the residual offset due to finite gain of
G,, can then be expressed as:

v,
Vv -

osn,res,gain — 1+An2 > (3-2)
where A, is the DC gain of G,,, which acts as an auxiliary input of the
stabilizing amplifier G,. During phase F;, the stabilizing amplifier measures
the offset voltage of the main amplifier G, and stores an offset compensating
voltage on capacitor C,. The resulting residual input referred offset due to
finite gain can be expressed as:

A v
v m_y __n (3-3)

os,res,ga[nzAnAmz m 1+An2 ]

where A,, A, Ay and A, are the DC voltage gains of the stabilizing
amplifier, the main amplifier, and the gains from their auxiliary inputs stages

Ry

+Vm-
pa
J

L2 ey

Fig. 3-3  Auto-zero offset-stabilization. The right-hand schematic
is commonly used.
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Gy and G, ;. Compared to the ideal circuit, an additional source of residual
offset is the finite gain A, and the offset V), of the stabilizing amplifier.

Furthermore, the noise aliasing associated with auto-zeroing will give
rise to a higher input-referred noise voltage at low frequencies, as discussed
in section 2.2.4 [3.10]. A detailed empirical analysis of the noise behaviour of
these kind of amplifiers can be found in [3.11]. Another drawback of this
circuit is that, as with all capacitive auto-zeroed techniques, the charge
injected by the switches is also stored on the offset compensating capacitors
C, and C,. Therefore, these capacitors need to be relatively large. Another
drawback is that the open-loop gain of the whole amplifier is significantly
different in the phases F; and F,. This can be a cause of aliasing for signals
above the clock frequency. Probably for this reason multi-path ping-pong
amplifiers have also been implemented [3.8] [3.9].

In the literature this topology is known as chopper stabilized [3.12],
[3.13] or continuous-time auto-zero [3.10]. Devices with this topology are
commercially available [3.12] [3.14], and achieve typical input offset
voltages of 1 V. This topology is also used in a device which could operate
up to 200°C [3.15].

3.3.2 Chopper offset-stabilized amplifiers

Some so-called chopper-stabilized amplifiers [3.12] [3.13] use auto-zeroed
stabilizing amplifiers and are, therefore, auto-zero offset-stabilized amplifiers.
A true chopper offset-stabilized amplifier, which uses a chopper compensation
amplifier, has been proposed in [3.16]. A chopper offset-stabilized amplifier has
been presented [3.17] using only 17 pA of supply current.
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Fig. 3-4  Chopper offset-stabilization.
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Fig. 3-5 Noise in chopper offset stabilized amplifiers.

In the chopper offset-stabilized amplifier shown in figure 3-4, the
chopper amplifier composed of chopper CH,, stabilizing amplifier G,, and
chopper CH;, senses the offset of the main amplifier G,,. A low-pass filter
LPF removes the chopper residuals that are caused by the offset V), of
stabilizing amplifier G,. The residual offset due to finite gain is then
expressed by equation (3-1).

The effects of noise in chopper offset stabilized amplifiers is sketched
in figure 3-5. The offset and 1/f noise of the stabilizing amplifier itself are
modulated to the chopping frequency F, and are removed by the low pass
filter. For effective suppression of 1/fnoise, the bandwidth of the stabilizing
loop as well as the chopper frequency should, therefore, be larger than the
main 1/fnoise corner frequency of the main amplifier. Thus, for optimal noise
behaviour, the —3 dB frequency of the LPF should be chosen higher than the
1/f corner frequency of the main amplifier G, and the chopper frequency
should be high enough to properly filter out the chopper residuals.

When the bandwidth of the stabilizing loop and the chopper frequency
are chosen optimally, the white noise level of the stabilizing amplifier G, will
be equal to the low frequency noise. In contrast, the white noise at low
frequencies of a similarly dimensioned auto-zero offset-stabilized amplifier
would be significantly higher due to noise aliasing.

In conclusion, compared to the use of auto-zero offset-stabilization, the
use of chopper offset-stabilization should lead to better performance with
respect to noise and offset. Therefore, this topology is used in the
implementations discussed in chapter 5.
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Fig. 3-6  Conceptual chopper offset-stabilized multi-path nested
Miller compensated operational amplifier.

3.3.3 Frequency compensation

In figure 3-6 a chopper offset-stabilized amplifier is depicted as a multi-path
amplifier [3.16]. In this circuit, G, and G; form a high-frequency path, while
Gy, G3, and G; form a chopped low-frequency path. Stage Gy is effectively
the auxiliary input of G,. The Miller capacitors Cyy, C;,, C3;, and C3, form a
multi-path nested Miller frequency compensation network [3.18]. A problem
with this circuit is that the offset V', of G4 together with the choppers give rise
to a chopper ripple. The circuit itself lacks a low-pass filter except for the
Miller capacitors, which limit the unity gain frequency of the whole amplifier.

An improved design of this circuit is shown in figure 3-7. An
integrator composed of transconductor G5 and capacitors Cs; and Cs, has
been added to the low frequency loop. This has the advantage that the
integrator acts as a low-pass filter and limits the chopper ripple. The circuit
shown in this figure can be considered a multi-path amplifier in which the
cascaded transconductances G, and G; form the low-gain/high-frequency
path, while the cascaded transconductances G4, G5, Gz, and G; form the
high-gain/low-frequency path. Instead of multi-path nested Miller
compensation, multi-path hybrid-nested Miller compensation has been
implemented [3.19] [3.20]. If the topologies are designed to have a smooth
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Fig. 3-7  Chopper offset-stabilization using an active integrator and
multi-path hybrid-nested Miller compensation.

roll-over of both paths, then the unity gain frequency of both topologies can
be given by:

f _ G4 _ G2
0B 2nC; 2nC,

(3-4)
where C; and C; are the values of capacitors C3; and Cs,, and, Cy; and Cy,,
respectively. The modulated offset V, of G4 is now filtered by the integrator.
However, it still gives rise to chopper ripple in the form of a triangular wave
at the output V, of the integrator, which in turn gives rise to a triangular wave
at the input of the whole amplifier. The input referred peak-to-peak voltage of
this triangular wave of the topology shown in figure 3-7 is given by:

52
where F- is the chopper frequency and Cs is the value of the integrator
capacitors Cs; and Cs).

Compared to the compensated high-frequency path, this path contains
an extra low-frequency pole due to the presence of the integrator. Therefore,
without the presence of capacitors C;; and Cs,, the open loop frequency of
the amplifier response will have a —40 dB/decade roll-off at low frequencies.

51



Dynamic Offset Compensated Operational Amplifiers

As a result, the amplifier is only conditionally stable. This means that in order
to ensure stability without external frequency compensation, the closed loop
gain must be limited to below a certain value, which is not desirable in a
general purpose operational amplifier. Bode plots of the amplifier depicted in
figure 3-7 are illustrated in figure 3-8.

The topology shown in figure 3-7 can be seen as a four-stage
low-frequency path and two-stage high-frequency path. The frequency
compensation can also be extended to more stages, as shown in figures 3-9
and 3-10. The benefit of the topology shown in figure 3-9 is that the two-stage

without C31 &C32 with C31 &C32

IH  40dB/dec H
e

20dB/dec
e

gain limit
' f

Fig. 3-8  Sketched bode plot of the amplifier topology
depicted in figure 3-7 with and without
hybrid-nested Miller capacitors C3; and Cj).
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Fig. 3-9  Chopper offset-stabilization using an active integrator and
multi-path hybrid-double-nested Miller compensation.
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output stage consisting of G4 and G can be easier to implement. A benefit of
a two-stage integrator consisting of G; and Gs as shown in figure 3-10 is the
additional voltage gain of the low-frequency path, which according to
equation (3-1) leads to a lower residual offset due to finite gain.

The unity gain frequency of the topologies shown in figures 3-9 and
3-10 can be expressed by:

G, G,  Gg

e (3-6)
2nC; 2nC, 4nC,

foas =

where Cg is the value of capacitors Cg; and Cg,. The operational amplifier
implementation discussed in the next chapter uses the topologies of figures
3-7 and 3-10. Referring to figure 3-7, it can be noticed that the offset voltage
V5 of the integrator appears as a square wave voltage over the capacitor Cpy.
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Fig. 3-10 Chopper offset-stabilization using an active two-stage Miller
compensated integrator and multi-path hybrid-double-nested
Miller compensation.
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Fig. 3-11 Auto-zero offset-stabilization using an active integrator
and multi-path hybrid-nested Miller compensation.

Charging and discharging this capacitor leads to an alternating output current
at the output of G4, which effectively leads to a residual offset at the input of
the whole amplifier. The residual offset due to this parasitic capacitance can
be expressed as:

4V F CE
Vos,res,par = SGC 4 . (3'7)
4

This means that either the parasitic capacitance needs to be minimized or the
offset of the integrator can be minimized, for instance by using nested
offset-stabilization techniques, as will be shown in all the implementations
presented in chapters 5 and 6.

The multi-path hybrid-nested Miller frequency compensation can also
be used in auto-zero offset-stabilized amplifiers. An example of such a
topology is given in figure 3-11. In phase F, the offset V5 of G5 causes a
current, which is integrated by the integrator composed of G4 and capacitors
Cg1 and Cg,. The integrator produces a voltage at the input of G5, which acts
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as an auxiliary input stage for G4 and compensates for the offset, as discussed
in section 2.2.3. In phase F; the offset voltage V, is measured by G5 and
compensated for via the integrator, which is composed of G4 and capacitors
C41 and Cyp, which applies a voltage to G;. Stage Gz acts as an offset
compensating auxiliary stage. This topology works exactly like the one
depicted in figure 3-3, except that the multi-path hybrid-nested Miller
compensation is used by applying capacitors C3, and Cs;. This version is not
preferred, as the auto-zeroed amplifier stage G5 determines the low-frequency
noise, including the folded noise associated with auto-zeroing.

3.3.4 Chopper stabilized amplifiers with ripple filters

A chopper ripple is still present in the output signal of a hybrid-nested Miller
compensated chopper offset-stabilized operational amplifier. This chopper
ripple can be reduced by applying both auto-zeroing and chopping
techniques, as will be shown in the next section.

There are also methods that use a sample and hold, which samples the
chopper ripple at the output of the integrator. Two examples will be given in
this section.

In figure 3-12 an implementation of the nested Miller compensated
topology shown in figure 3-6 is depicted. An extra low-pass filter is
implemented with a switched capacitor notch filter, which is composed of the

Ri
]
l %t
ou
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I 12 .T.

Fig. 3-12 Chopper offset-stabilized operational amplifier with SC
notch filter and synchronous integration and multi-path
hybrid-nested Miller compensation [3.17].
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switches driven by F; and F, and the capacitors C5; and Cs, [3.21]. This
notch filter also acts as a passive integrator. To compensate for the extra pole
introduced by this integrator, the capacitors C5; and Cs, are introduced for
the same reason as the hybrid-nested Miller compensation, as shown in the
previous section. Therefore, in fact it is a hybrid-nested Miller compensated
circuit. Capacitors C3; and Cs, help to maintain local loop stability. The
capacitor Cs helps to limit the bandwidth of the low-frequency path such that
the delay caused by the notch filter does not cause instabilities [3.17]. The
advantage of this topology is that it uses a minimum of gain stages, which can
lead to an amplifier that only consumes 17 pA of power [3.22] while
obtaining a 55 nV/VHz input referred white noise and a GBW of 350 kHz.

To compensate for the offset V, of G,, a DC voltage has to be present
at the input of Gs. This voltage is proportional to the offset /5. A voltage at
the output of chopper CH; together with a parasitic capacitor at the input of
CH, would lead to a residual offset. This residual offset due to the parasitic
output capacitance C,4 of G4 can be expressed as:

— %@ (3-8)
os,res,par G4 G3 )

which means that an optimal residual offset is obtained when G3>G,. This a
strange requirement for an auxiliary input, because any switching noise of the
notch filter would be amplified towards the input by a ratio G5/G,.

Another disadvantage of this topology is that the residual offset due to
finite gain is limited by the voltage gain of the gain stage Gy. Since the
residual offset due to finite gain can be expressed as:

Vv, A
os,res,gain ~
AsA,

v, , (3-9)

where A, A; and A, are the voltage gains of the respective gain stages G,,
G; and Gy. The transconductances G, and G share the same output
impedance. If G,=Gj3, this implies that A,=Aj. In this case, all offset
compensation comes down to the DC voltage gain of G4. Despite this, an
implementation of this topology has a typical offset of 2 uV, and a maximum
offset of 10 uV [3.22]. This is achieved with A,=A5 and A,=86 dB, and the
parasitic capacitor Cpy being minimized [3.17]. A disadvantage is that any
switching noise of the notch filter would directly be visible at the input. This
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would generate a ripple since each sample would have an error caused by the
kT/C noise of the sampling capacitors.

The topology shown in figure 3-13, has been implemented [3.23] and
will be discussed in section 5.2. In this topology the functions of the
integrator and the notch filter are not combined. The integrator is composed
of Gs, Cs51 and Cs,. The sample-and-hold circuit is composed of the switches
driven by F; and F, and the capacitors Cgq; and Cg,. Clearly, the benefit of
this topology is that the residual offset due to finite gain can be expressed as:

V. Ay (3-10)
os,res,gain A3A4A5 2"

This relaxes the voltage gain specifications of G4. The residual offset
due to the parasitic output capacitance C,4 of Gy can be expressed by
equation (3-7), which means that in this design the ratio A,/A5; can be chosen
larger than 1 without compromising any residual offset. This also suppresses
the kT/C noise of the sample-and-hold toward the input, achieving better
ripple behaviour.

N
=

R 2 V2

X
o
=

Fig. 3-13 Chopper offset-stabilized operational amplifier with hybrid-
nested Miller compensation and a sample-and-hold after an
active integrator G [3.23].
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Fig. 3-14 Clock diagram of the topology depicted in figure 3-13.

A possible clock diagram is depicted in figure 3-14. In this diagram the
chopper ripple is sampled at half the chopper frequency and with a quarter
chopper period delay. With this clock scheme the output range of the
integrator is used optimally.

3.3.5 Chopper and auto-zero stabilized amplifiers

Another possibility which leads to a strongly reduced chopper ripple is to
auto-zero the chopper amplifier. This has been shown in the topology
depicted in figure 3-15. During phase F; the chopper amplifier G4 is
auto-zeroed by the integrator composed of G¢ and Cg; and Cgp. While in
phase F', the chopper amplifier is in the loop.

This implementation is quite powerful because the auto-zeroing of G4
strongly reduces chopper ripple. While the folded noise associated with
auto-zeroing is modulated to higher frequencies, as sketched in figure 2-18 in
section 2.4, at higher frequencies the high-frequency path dominates the
noise, and effectively filters out most of the noise. This has been sketched in
figure 3-16.

An disadvantage however is that when G4 is auto-zeroed it is not
connected to the input signal. When auto-zeroing with a duty cycle of 50%
this means that the input signal is only applied for half of the time. This
decreases the signal-to-noise power at frequencies below the auto-zero
frequency by a factor two.
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Fig. 3-15 Chopper and auto-zero offset-stabilized
operational amplifier.

noise noise noise
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PSD low frequency path PSD high frequency path PSD total amp

Fig. 3-16 General output PSD of a chopped and auto-zeroed
offset-stabilized operational amplifier.

3.4 Chopper offset-stabilized chopper
amplifiers

Until now the offset-stabilizing technique has been discussed. But what if an
offset-stabilized amplifier itself would be chopped? Or in other words, what if
a chopper amplifier would be offset-stabilized? As concluded in section 2.5.1,
a dynamic offset compensated differential amplifier with a low offset has a
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lower charge injection problem, than that of an amplifier with higher offset.
As a result, a chopper amplifier itself would benefit from a stabilized offset.

In figure 3-17 a chopper amplifier consisting of chopper CH,,
amplifier stage G,, chopper CH;, and output stage G, is shown. The offset is
chopper offset-stabilized by chopper CHy, stabilize stage Gs, chopper CHj,
an integrator around Gy, and an auxiliary input stage G;.

The choppers CH, and CH, can be combined by placing the inputs of
G5 at the input of the amplifier. In section 2.3.2 it was shown that the
modulated offset appears at the inputs of a chopper amplifier. Therefore, it is
not necessary to create a modulated offset two times with CH, and CHy. The
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Fig. 3-17 Chopper offset-stabilized chopper amplifier.
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Fig. 3-18 Chopper offset-stabilized chopper amplifier with a combined
chopper CH,.
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resulting amplifier is shown in figure 3-18 [3.24]. This benefits the residual
offset due to charge injection, because the amount of switches is reduced.

The frequency behaviour is more difficult to explain than the behaviour
of the offset-stabilized amplifier. Amplifier stage G5 senses the voltage V, at its
input. This contains the modulated offset V', of G,. The voltage V, is converted
into a current by Gs. This current is modulated by CH3. The modulated current
now contains DC current information of the offset V. Integrating this current
into the integrator composed of Gy, Cy4y, and Cy, leads to an offset reducing
current /3. However, for the input signal the combination of choppers CH;3 and
CH,; and the integrator G4 acts as a bandpass filter around the chopper
frequency. This means that the low-frequency behaviour is determined by G,
instead of Gs.

The hybrid-nested Miller frequency compensation capacitors are still
necessary to ensure that the roll-off remains 20 dB per decade around the
clock frequency. The capacitors need to be placed at the left of CH; to
provide negative feedback for the compensation capacitors.

This topology modulates the residual offset of the chopper stabilized
operational amplifier depicted in figure 3-7, which would lead to a better
offset specification. However, there are choppers introduced into the main
signal path, and the complexity is increased.

However, the chopper ripple caused by the modulated offset of Gj
remains. Only its shape changes from a triangular wave into a saw-tooth
wave, i.e. a chopped triangular wave. This ripple can again be suppressed by
auto-zeroing the input stage or placing a sample-an-hold behind the
integrator. A quest to obtain a low offset and low ripple resulted in the
amplifier topology discussed in the next sub-section.

3.4.1 Iterative offset-stabilization

All the techniques discussed so far can be applied to operational amplifiers.
Numerous combinations can be made with chopper, auto-zero and
offset-stabilized amplifiers. In figure 3-19 a three-stage chopper amplifier is
shown that consists of output stage G;, intermediate stage G,, and chopped
input stage Gs.

The input stage is both chopper and auto-zero offset-stabilized. The
transconductance stage Gs, and the integrator around G4 offset-stabilized G,
while the integrator around Gg is used to auto-zero Gs. The offset of
integrator Gy limits the ripple reduction by crosstalk through Cps to the
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P
Fig. 3-19 Chopper amplifier with iterative offset-stabilization [3.24].

output. To circumvent this around G4 a nested chopper offset-stabilization
loop is added consisting of transconductance Gg, and an integrator around Gy.
The integrator around Gy is also chopper stabilized by transconductance Gy,
and an integrator around Gg. The intermediate stage G, is also chopper and
auto-zero offset-stabilized by transconductance stage Gj,, the integrator
around Gy, while the integrator around G5 is used to auto-zero Gy, [3.24].
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The resulting amplifier has 13 stages, or 19 it the necessary 6 auxiliary
stages are counted. A clear disadvantage is the complexity of the topology.
This topology has potentially a very low offset, since every source of offset
has been offset-stabilized.

3.5 Conclusions

In this chapter several topologies have been discussed that can be used to obtain
broadband dynamic offset compensated operational amplifiers. In table 3-1 the
properties of the different topologies are summarized. The first topology is the
ping-pong topology, where one amplifier is auto-zeroed while another amplifier
is used to amplify a signal. It doesn’t display a chopper ripple, although it does
display switching spikes due to the switches in the signal path. Its residual offset
is limited by the gain of the amplifier. The auto-zeroed offset-stabilized
topology (AZOS), is less complex than the ping-pong topology, although the
low-frequency (LF) noise increases by a factor V2. The chopper
offset-stabilized (CHOS) topology has a superior LF noise, although it
exhibits a chopper ripple. Two techniques were discussed to reduce this ripple
at the cost of complexity: chopper offset-stabilization with ripple filters with a
sample-and-hold (CHOS+S&H), and chopper and auto-zero offset-stabilized
(CH&AZOS) operational amplifiers. A way to obtain a lower residual offset

Table 3-1. Comparison of the different broadband dynamic offset
compensated topologies.

Topology Ripple LF Residual | Complex-
noise offset ity
Ping-pong + - +/- -
AZOS ++ - +/-
CHOS - ++
CHOS+S&H + ++ + +/-
CH&AZOS + + + +/-
CHOSCH - ++ ++ -
Iter + ++ -+ -
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is to use a chopper offset-stabilized chopper topology (CHOSCH). In this
topology the residual offset of a chopper offset-stabilized amplifier is chopped,
reducing the offset further. However, the topology complexity increases and the
chopper switches in the signal path exhibit switching spikes. Finally the
iterative (ITER) topology could lead to a very low residual offset at the cost of
an increased topology complexity.

Of these topologies, the chopper offset-stabilized (CHOS) operational
amplifier offers the best option for obtaining a low-noise amplifier with a
reasonable topology complexity. However, chopper ripple remains a problem.
Therefore, chopper offset-stabilization with ripple filters, and chopper and
auto-zero offset-stabilized topologies will be used in the implementations
discussed in chapters 5 and 6.
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4.1 Introduction

In many sensor systems there is a need to amplify a weak differential signal,
which is often accompanied by a strong common-mode signal. Amplifiers
designed to handle such tasks are known as instrumentation amplifiers. There
are three general approaches to design instrumentation amplifiers.

The first approach involves the use of operational amplifiers and
resistive feedback. The simplest example is the differential amplifier shown
in figure 4-1a. This amplifier suffers from unequal and low input impedances.
Thus its gain is dependent on the source impedances. To solve this problem,
the famous three operational amplifiers instrumentation amplifier has been
developed, as shown in figure 4-1b [4.1]. In this topology, two operational
amplifiers are used to implement a fully differential buffer that precedes a
differential amplifier. This topology has a much higher input impedance but
still suffers from a not very high common-mode rejection ratio (CMRR) due
to resistor mismatch. Therefore, commercially available instrumentation
amplifiers are often designed with the help of laser trimmed resistors. To
obtain low-offset in a resistive feedback instrumentation amplifier, the
operational amplifiers which are used in the implementation can be designed
with dynamic offset compensation techniques, as discussed before.
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(a) (b)
Fig.4-1 (a) Differential amplifier and (b) vresistive feedback
instrumentation amplifier.

The second approach involves using a flying or switched capacitor
topology to overcome the large common-mode voltage [4.2] [4.3] [4.4]. A
simplified version of a switched capacitor differential amplifier is shown in
figure 4-2. To obtain low offset for switched capacitor circuits, the auto-zero
methods can be used because the switches and capacitors are already present
in the implementation.

Current-feedback instrumentation amplifiers offer another option, in
which the CMRR is determined by isolation and balancing techniques. This is
the subject of the next section.

FL/ Fa
Boal T

+ T 1l + °+
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Fig. 4-2  Switched capacitor instrumentation amplifier.
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Fig. 4-3  Current-feedback instrumentation amplifier with two
feedback amplifiers.
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4.1.1 Current-feedback instrumentation amplifiers

Since the 1970s, various instrumentation amplifier topologies have been
developed for current-feedback or current balancing instrumentation amplifiers.
For historical reasons, these topologies are shown implemented with bipolar
transistors in this section.

The first monolithic current-feedback instrumentation amplifier [4.5]
used the topology shown in figure 4-3. It uses two voltage amplifiers A and
A, and two transconductance amplifiers, namely an input transconductance
implemented with transistors Q; and Q, and resistor Ry, and a feedback
transconductance implemented with Q3, Q4 and R,.

This circuit works as follows. The input transconductance is unbalanced
by the input voltage V;,,, which causes the current through current sources I; and
I, to be unequal. Voltage amplifier A, drives the output voltage V,,, and
consequently the feedback voltage Vj,. The feedback transconductance is
unbalanced by this feedback voltage, which causes the current through current
sources I3 and 14 not to be equal. Loop amplifier A, drives the two current
mirror pairs Iy, I and I,, I5 to be equal. The loop amplifiers A; and A, help to
maintain constant currents through Is, I and 15, Ig, respectively. By keeping the
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collector currents of Q; , and Q3 4 equal, their base-emitter voltages are equal.
As a result the voltages over Ry and R, accurately represent V;, and Vg, Thus,
the next equations hold:

L-1,=2V,/R;, (4-1)
I,y =2V,/R, (4-2)
I,=1, and I, =1, (4-3)
Ve R 14 R,R;+R
Thus ol and L“t:_lg (4_4)
in RZ Vin R2 R4

The settling time of this topology was rather poor, because during an
overload condition, the whole amplifier needs to settle [4.6]. The feedback loop
includes the input transconductance, voltage amplifier A;, the feedback
transconductance and the voltage amplifier A,. The use of multiple feedback
loops also leads to stability issues. The two topologies discussed next overcome
these issues, by using only one feedback loop.

Indirect current-feedback instrumentation amplifier

The indirect current-feedback topology is shown in figure 4-4 [4.5]. It was
first used [4.7] to implement a method for frequency compensation and later
[4.8] to implement an instrumentation amplifier. The idea is that I; to I, are
equal, and that I5 and I are equal. The loop amplifier A; then forces the
differential collector current from Q and Q, into Q3 and Qy, by driving the
required voltage Vip at the inputs of Q5 and Q4.

Another way of looking at this circuit is that the feedback transconductance
amplifier, implemented with Qs, Q4 and R,, together with the loop amplifier A;,
form a two-stage operational amplifier. For this circuit the frequency compensation
is well-known [4.9]. A replica transconductance amplifier implemented with Q;, Q,
and R, is added to this operational amplifier and is used as a new input stage to
implement the indirect current-feedback.

A disadvantage of this however, is that the collector currents of Q; and
Q; and of Q3 and Q4 are not a linear function of V;, and ¥V, respectively.
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Fig. 4-4  Indirect current-feedback.
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These non-linearities are cancelled in first order when the transistors match
and R, =R, [4.10]. Equation (4-4) then becomes:

Vou Ry+R,

out -
v, R,

in

(4-5)

The input stages can also be linearized by using gain-boosted
transistors [4.8]. In CMOS design, where mismatch is a bigger problem, the
use of composite transistors might be necessary to obtain a better gain
accuracy and linearity [4.11].

Direct current-feedback instrumentation amplifier

For biomedical applications, which demand low power, another topology was
investigated [4.12]. This topology is shown in figure 4-5. In this topology the
input and feedback transconductance amplifiers are cascoded. This way the
supply current is reduced. This topology was later used in CMOS
implementations [4.13] [4.14]. A disadvantage of this topology in comparison
with the indirect current-feedback approach is the increase in minimum
supply voltage and decrease in the common-mode voltage range. Another
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*Vief
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Fig. 4-5 Direct current-feedback instrumentation
amplifier.

disadvantage is that Q; and Q, always carry the same current, whereas Q3 and
Q4 carry a signal dependent current. This can be a cause of non-linearity.

A distinction can be made between direct and indirect current-feedback
instrumentation amplifiers [4.10], where the input and feedback transconductances
are cascoded and cascaded respectively. The direct current-feedback is better for
low-power applications, while the indirect current-feedback approach is better for
gain accuracy and for low-voltage applications, where the relatively higher
common-mode input voltage range is also beneficial. The implementations
presented in chapter 6 focus on wide-bandwidth offset-stabilized indirect
current-feedback instrumentation amplifiers.

The indirect current-feedback instrumentation amplifier can be seen as
an operational amplifier with a replica input pair. In figure 4-6 an example is
given of a two-stage Miller compensated operational amplifier that consists of
stages G and G, with an additional replica input stage G; to implement a
current-feedback instrumentation amplifier.

The gain accuracy of the instrumentation amplifier depends on the
equality of G, and Gs;. With ordinary differential pairs of the same type
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working in weak inversion, and well matched tail currents, a 1% gain
accuracy can be obtained. The gain can be expressed as:

Vout_Vref_ Rl +R2G2

V. R, G;°

mn

(4-6)

A strange feature with respect to operational amplifier design is that
the input stages have to be able to handle a finite input voltage, since the
virtual ground concept is not applicable. However, the differential input range
of ordinary differential pairs is effectively limited to about 50 mV, because
the differential pairs will saturate. This input range can be improved with
degeneration resistors. An implementation of an accurate transconductance
amplifier is presented in section 6.3.3.

For this reason the input stages of the designs shown in figures 4-3 to
4-5 are all shown with degeneration resistors. Another odd feature is that the
polarity of G5 does not have an effect on the stability of the circuit, since G5 is
not part of the feedback network.

In figure 4-7 a multi-path current-feedback instrumentation amplifier
is depicted. What is interesting is that in a multi-path current-feedback
instrumentation amplifier the polarity of the input replica stages G4 and Gg
can be chosen arbitrarily. For instance a positive gain for the low-frequency
path and a negative gain for the high-frequency path. An amplifier like this
can be used as an all-pass filter, since it has a phase shift of 180° between low

Ciy

VilRa[Go > %
Vref T ’ J_ : out
l -

1¢2 |

Vin+°__G3 /3‘

- + -

Fig. 4-6  Two-stage operational amplifier with an additional
feed-forward input stage to implement a current-feedback
instrumentation amplifier.
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Fig. 4-7  Four-stage multi-path current-feedback instrumentation amplifier:

and high frequencies. However, generally this is unwanted behaviour which
can surprise a designer.

The CMRR of this instrumentation amplifier is now dependent on the
CMRR of the input stages which can be designed to be very high. Apart from
the dependency of the offset on CM voltage, there is also common-mode
voltage dependency of the voltage gain, because, the transconductances of the
input stages have a common-mode voltage dependency. The offset of such an
amplifier is equal to the sum of the input offset voltages of the input stage and
the replica stage, this is 2-20 mV for typical CMOS implementations. The
gain accuracy is limited by the matching of the input and replica
transconductance which leads typically to a 1% gain accuracy.

4.2 Dynamic offset compensated
instrumentation amplifiers

In this section some topologies of dynamic offset compensated current-feedback
instrumentation amplifiers are presented. In section4.2.1 the chopping and
auto-zero techniques discussed in chapter 2 will be extended to the discussion of
current-feedback instrumentation amplifiers. From section 4.2.3 onwards the
focus will be on broadband dynamic offset compensated instrumentation
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amplifiers. The ping-pong amplifier discussed in section 3.2 will be extended to a
discussion on ping-pong-pang amplifiers in section 4.2.3. The offset-stabilized
operational amplifiers discussed in section 3.3 will be extended in section 4.2.5.
The chopper offset-stabilized chopper amplifiers discussed in section 3.4 will be
extended in section 4.2.6.

4.2.1 Chopper instrumentation amplifier

A chopper current-feedback instrumentation amplifier topology is shown in
figure 4-8. Generally it can be assumed that the offset is two times worse than
for a chopper operational amplifier, because the replica input stage also has
offset and an additional chopper is also needed. The CMRR of such an
amplifier is very high for signal frequencies below the chopping frequency.

As shown in section 2.5.2 the charge injection is a function of the input
signal. This means that charge injection varies slightly over the input voltage
range. This is a cause of gain non-linearity. For an input range of 50 mV and a
decent chopper layout with minimum size switches, the non-linearity caused
by this effect can be in the order of 0.1%, which is in the same order as that of
the non linearity of V-to-I convertors.

The gain accuracy of the instrumentation amplifier caused by a
mismatch of G, and G5 can also be reduced by dynamic matching of the input
stages. If there is a mismatch of A between G, and Gj3, the gain error would
then average over time as can be expressed by:

2 2
1+A, 1 )1_2+2A+A 1A

ggain,mismatchz( 2 242N 242A T2

(4-7)

S

Fe
+o—J—H-
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Fig. 4-8 Indirect current-feedback chopper
instrumentation amplifier.
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which would mean that a 1% mismatch would only cause a 0.005% gain
error. This dynamic element matching would be relatively easy to implement,
because both switches and the logic to drive them are already present.
However, the inputs have to switch from the input common-mode to the
reference common-mode. When those common-modes differ too much, this
could cause nasty spikes, which means that the dynamic matching of the input
stages cannot be applied to general purpose instrumentation amplifiers.

4.2.2 Auto-zeroed instrumentation amplifier

An auto-zeroed current-feedback instrumentation amplifier topology is
shown in figure 4-9. In this figure the auto-zeroing with an auxiliary input
stage G4 is used. In phase F; the offset voltages V, and V3 cause a current
ILofves=V3G3—V2Gy. This current is integrated by the integrator around Gs
until ;=1 Thus, after a few auto-zero cycles the offsets /', and V'3 will be
compensated for by an offset compensating current /,. During phase F', the
amplifier amplifies the input signal.

An auto-zeroed current-feedback instrumentation amplifier with input
offset storage is shown in figure 4-10. In phase F; the offsets /, and V5 are
stored on capacitors Cp; to Cpy. With respect to the topology shown in
figure 4-9, this amplifier will probably have a higher residual offset due to the
charge injection of the input switches.

However, a beneficial attribute of this amplifier is that the input
common-mode voltage is separated from the inputs of the instrumentation
amplifier, such as in a switched capacitor amplifier. This means that the inputs

Fo V
+ ot O
Vin_j Fi\
N
+=-*’;>—I—Jre;+
Vf@_/i FI\

Fig. 4-9 Auxiliary input auto-zeroed current-feedback
instrumentation amplifier.
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Fig. 4-10 Input offset storage auto-zeroed
current-feedback instrumentation amplifier.

do not have to be designed to accommodate the common-mode. The dynamic
element matching, as discussed before, might be easier to implement. The
switches in front of the capacitors C, to Cp,, have to accommodate the input
common-mode voltage. Consequently, this topology can be seen as a hybrid
of the switched capacitor amplifier and the current-feedback instrumentation
amplifier.

A disadvantage of this is, however, that the parasitic input capacitances
Cp2 and Cp3 of transconductances G, and G3 act as a voltage divider, and alter
the overall gain. Effort has to be taken into matching those parasitics.

— —
Al Cs3- Al Cs
T el [l <Gl
C C
P Kl R A =
Fro Vs —F::"— I
+ o~ —T O > f
Vin_i F2\ 92> +
£} Fo Vs F, F,
+ =T +—tf—T > g
Vip_LFA ~ fGsp> | Vin_i FN  [Gop> 1
)
+v-/:v—l—e—+f
Vip_i F1y G3>13

Fig. 4-11 Ping-pong auto-zero instrumentation amplifier [4.15].
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Fig. 4-12 Ping-pong-pang auto-zero instrumentation amplifier [4.16].

4.2.3 Ping-pong instrumentation amplifier

A wide-band instrumentation amplifier can be obtained with the ping-pong
technique as described in section 3.2. The auto-zeroed amplifier as depicted
in figure 4-9 can be used, by duplicating G,, G5, G4 and G5 and using the
auto-zero switches as multiplexer between the two obtained input stages. An
instrumentation amplifier like this is depicted in figure 4-11. A chopped
ping-pong instrumentation amplifier has been used in an implementation
[4.15] obtaining a 3 puV offset voltage and 140 dB CMRR.

4.2.4 Ping-pong-pang instrumentation amplifier

As was explained earlier, the current-feedback instrumentation amplifier
is an operational amplifier with a replica input stage. Therefore, it can also be
implemented as a ping-pong amplifier with a replica input stage. This
ping-pong-pang amplifier [4.16] is presented in figure 4-12.

There are numerous algorithms that can be implemented. One example
is given in figure 4-13. In this algorithm two input stages are swapped during
each cycle, while each input stage is auto-zeroed with a 1/3 duty cycle at an
auto-zero frequency.
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Fig. 4-13 Possible ping-pong-pang algorithm with dynamic matching.
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Fig. 4-14 Chopper offset-stabilized current-feedback instrumentation
amplifier.

This ping-pong-pang amplifier can also be chopped to reduce the
residual offset, as was also done in the ping-pong amplifier [4.17]. When an
algorithm is used where the auto-zero duty cycle is 1/3, then the chopper
frequency should be chosen one-and-a-half or three times higher than the
auto-zero frequency, in order to modulate the folded auto-zero noise to higher
frequencies and achieve an optimal low frequency noise.

4.2.5 Offset-stabilized instrumentation amplifiers

A chopper offset-stabilized current-feedback instrumentation amplifier is
presented in figure 4-14. Just as in the chopper offset-stabilized operational
amplifier, the cascaded amplifier stages G, G4, G5 and G4/G7 can be seen as
a low-frequency path. At DC until frequencies where the low-frequency path
is dominant, the ratio of G¢/G; determines the gain. The chopped input offset
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Fig. 4-15 Auto-zero offset-stabilized current-feedback instrumentation

amplifier.

voltages of G4 and G, cause a chopper ripple which can be seen as a
triangular wave.

An auto-zero offset-stabilized current-feedback instrumentation amplifier
is presented in figure 4-15. It does not suffer from the chopper ripple. However
this amplifier has inferior low-frequency noise due to the noise folding associated
with auto-zeroing.

The chopper and auto-zero offset-stabilized instrumentation amplifier
presented in figure 4-16 has an improved noise performance with respect to
the topology of figure 4-15. It doesn’t suffer from the triangular chopper
ripple because G¢ and G5 have been auto-zeroed. It is also likely that by using
two offset compensation techniques, the residual offset will be lower.
Examples of implementations of this topology can be found in chapter 6.
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Fig. 4-16 Chopper and auto-zero offset-stabilized current-feedback
instrumentation amplifier.
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Fig. 4-17 Chopper offset-stabilized chopper current-feedback
instrumentation amplifier.
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4.2.6 Chopper offset-stabilized chopper instrumentation
amplifier

A chopper offset-stabilized chopper current-feedback instrumentation amplifier
is presented in figure 4-17. Since the chopped integrator acts as a band-pass
filter for the input signal G4 and G are effectively AC coupled, therefore, the
low frequency gain is determined by G, and Gs.This topology has also been
extended to an iterative offset-stabilized instrumentation amplifier [4.18]. An
instrumentation amplifier like this has the potential of achieving a very low
offset, since every source of offset has been offset-stabilized. However it
requires 24 gain stages.

4.3 Conclusions

In this chapter the topologies of operational amplifiers discussed in the previous
chapter have been extended to include current-feedback instrumentation amplifiers.
Of these topologies, the chopper offset-stabilized instrumentation amplifier offers
the best option for obtaining a low-noise instrumentation amplifier.
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Realizations of
Operational
Amplifiers

5.1 Introduction

In the previous chapters, the theory necessary for designing low-offset CMOS
operational amplifiers has been discussed. This chapter focuses on the design
of two complete general-purpose low-offset wide-bandwidth operational
amplifiers, which have been designed using this theory. Chapter 6 will focus
on the realization of instrumentation amplifiers.

In section 5.2 a chopper offset-stabilized operational amplifier will be
described. In this implementation, a sample-and-hold is used to reduce
chopper ripple, as discussed in section 3.3.4. In section 5.3, a chopper and
auto-zero offset-stabilized operational amplifier will be described. Both
amplifiers are designed to be unity-gain stable with a 100 pF load capacitor
and achieve a unity-gain frequency of IMHz with a 60-degree phase margin.
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5.2 Chopper offset-stabilized operational
amplifier

The first implementation that will be discussed in this book is a chopper
offset-stabilized operational amplifier. It has been designed as a feasibility
study, to investigate the performance of a chopper-stabilization topology, as
discussed in chapter 3. This amplifier was designed around the same time as
the work of Burt and Zhang [5.1], who independently designed a product
[5.2] with a very similar topology, which was discussed in section 3.3.4. The
starting point of this design was the operational amplifier described in
section 3.4 [5.3].

First the chosen topology will be presented. In section 5.2.2, the
transistor level implementations of the stages used in this design are
described. In section 5.2.3, the measurement results are shown. Conclusions
will be presented in the final section.

5.2.1 Topology

The foundation of this amplifier is a three-stage amplifier consisting of Gy,
G, and Gj3. The topology used in the implemented circuit is shown in
figure 5-1. It consists of an offset-stabilized input stage G5, and a two-stage
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Fig. 5-1 Chopper offset-stabilization using an active integrator with
sample-and-hold to reduce chopper ripple.
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class-AB biased operational amplifier composed of G, and G;. The
stabilization loop around Gj; consists of a chopper amplifier, an integrator, a
sample-and-hold, and G,4, which serves as an auxiliary input of G3. The
chopper amplifier consists of CH,, G and CH;, while the integrator is
composed of G5 and capacitors Cs; and Cs,. It should be noted that all the
choppers operate at the same clock frequency. The intermediate stage G,
stage is mainly used to simplify the design. The current summing and
class-AB biasing do not have to be combined in this way. The two stages can
be combined, as will be demonstrated in the implementation described in
section 5.3.

Due to feedback, the offset ¥, appears at the input of chopper CH,. As
shown in figure 5-1, the amplifier is configured in an inverting topology via
resistors Ry and R,, but the system works with any negative feedback
network. The modulated offset voltage is converted into a current by G and
then demodulated by CH;. The resulting DC current, which is proportional to
the input offset voltage, is integrated. The integrator then applies an offset
compensating voltage at the input of G4. This transconductance acts as an
auxiliary input for G5 and applies an offset compensating current to the output
of Gs. For as long as there is offset present at the input of the entire amplifier,
the integrator will try to reduce it. Without taking charge injection effects into
account, the residual offset due to finite gain can then be expressed by:

y _ Axl,
os,res,gain — s (5-1)
A04A05A06

where V¢ is the uncompensated offset of the main amplifier consisting of Gs,
G, and Gy, and A;, i=3, 4, 5, 6, are the DC voltage gains of the appropriate
amplifier stages. This means that in order to reduce the offset of the main
amplifier from, say, 10 mV to 0.1 nV, the gain of the stabilization loop should
be at least 100 dB higher than the gain of G;.

The circuit shown in figure 5-1 can be considered as a multi-path
amplifier in which the cascaded transconductances Gz, G, and G| form the
low-gain/high-frequency path, while the cascaded transconductances Gg, Gs,
Gy, Gy, and Gy form the high-gain/low-frequency path. Capacitors Cyy, Cy5,
C,1, and C,, implement nested Miller frequency compensation [5.4] and are
chosen to achieve a 60-degree phase margin for a 1 MHz unity gain frequency
with a 100 pF load. The two capacitors C4; and Cyy, together with the
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Fig. 5-2  Timing diagram. It is indicated if Cy,; or Cgy,5 is
sampling the output of Gs.

integrator capacitors Cs; and Cs,, form a hybrid-nested Miller frequency
compensation, as discussed in section 3.3.2.

Chopper ripple reduction

The modulated offset of G¢ gives rise to chopper ripple, in the form of a
triangular wave at the output of G, which in turn gives rise to a triangular
wave at the input of the whole amplifier. The input referred peak-to-peak
voltage of this triangular wave can be approximated by:

593
where Vy is the offset of Gg, F- is the chopper frequency, and Cs is the
integrator capacitance. For use as a general-purpose operational amplifier, the
amplitude of this ripple should be reduced below the noise floor.

From equation (5-2) it can be seen that the amplitude of the ripple can
be minimized by decreasing the transconductance G¢ and Gy, and increasing
the size of the integrating capacitors Cs; and Cs,. However, increasing the
capacitance size increases the chip area. While decreasing the transconductance
of Gg increases the input-referred noise of the amplifier. Alternatively, the
chopping frequency can be increased, although this causes more residual offset
due to the effect of charge injection in the chopper switches. It is also possible
to auto-zero Gg, which is done in another implementation discussed in
section 5.3.

In this design the chosen solution is to implement a sample-and-hold
circuit after the integrator, as shown in figure 5-1. The circuit samples the
triangular wave at the integrator output, thereby eliminating the ripple. The
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timing of the sample moment is not critical, although the dynamic range of
the integrator is used optimally when the triangular wave is sampled at the
zero crossings. To achieve a quasi-continuous output signal, two sample-and-hold
circuits have been used. Their timing is arranged in such a way that while one
sample-and-hold capacitor Cg,; is sampling, the other sample-and-hold capacitor
Cgypp 18 driving Gy. The timing diagram of the sample-and-hold is shown in
figure 5-2.

The offset of G5 also contributes to the residual offset. This is because
it appears as a chopped voltage that charges and discharges the parasitic
output capacitance Cpg of Gg. The required current is provided by Gg, which
means that a voltage must be present at its input. Hence there will be a
residual offset at the input of the amplifier. This residual offset is given by:

Vs res,par = % : (5-3)
6

To minimize this offset, the transconductance of Gg should be
maximized, while its parasitic capacitance should be minimized. However, as
can be seen from equation (5-2), maximizing Gg will increase the ripple. A
designer could minimize the parasitic output capacitance of G4 by using
minimum-sized transistors and by minimizing the length of the metal wires
connecting Gg to the chopper. A compromise will need to be made between
residual offset and ripple amplitude. Of course, the ripple amplitude at the
output of the integrator is bounded by the power supply voltage of the
integrator, since the integrator cannot be allowed to clip.

A low transconductance of 4 pA/V is implemented to measure this
amplifier with clock frequencies down to 1 kHz. A clock frequency of 1 kHz
combined with integrator capacitors of 32 pF, a 15 mV worst case offset, and
a Gg of 4 pA/V would lead to a triangular wave at the output of the integrator
with a peak-to-peak value of 1 V. With lower clock frequencies the integrator
would saturate.

Another possibility which increases the complexity of the circuit, but
does not have conflicting trade-offs, is to cancel the integrator’s offset. In
order to do this, a nested offset-stabilization loop is implemented around the
integrator. The complete topology can be seen in figure 5-3.

The offset V5 of G5 appears at the input of chopper CH; as a square
wave. This signal is converted into a current and then demodulated by the
sense amplifier Gy and chopper CHj, respectively. An integrator composed of
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Fig. 5-3  Chopper offset-stabilization using an active integrator
with a sample-and-hold to filter the chopper ripple and a
nested integrator offset-stabilization loop.

Gg, Cg;, and Cg,, integrates this current and then drives an offset compensating
current into the output of G5 via its auxiliary input G;. All the choppers work at
the same clock frequency Fi-.

The offset Vy of Gg also needs to be reduced because it is a source of
additional residual offset and output ripple. For this reason the multiplexer
M,, integrator G;;, and auxiliary input G, are added, which auto-zero Gg at
half the chopper clock frequency. This technique is similar to the iterative
offset-stabilization approach discussed in section 3.4.1.

To further investigate the behaviour of this topology, several parts of
the circuit can be bypassed. By doing this, the three-stage amplifier consisting
of Gy, G, and G5 can be measured. The offset-stabilization loop and nested
offset-stabilization loop can be turned on separately, while the sample-and-hold
can be switched on or off.
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5.2.2 Circuits

So far only the topology has been discussed. This section focuses on the
circuits with which this design has been implemented. First, the output stage
is discussed. Secondly, the input stages are discussed. Both input stages are
designed with the same topology, however, they are biased at different current
levels. After that the integrator is discussed. Lastly, the biasing technique and
bias current generator is discussed. The values of the transistor width W and
length L have been omitted because they were not chosen optimally. In the
implementations discussed in section 5.3.2, the values of W and L will be
shown.

Output stage

In the implementation of the topology shown in figure 5-3, a class-AB output
stage was chosen for stages G| and G,. This topology is shown in figure 5-4.
The quiescent current through the output transistors M| and M, is controlled
by two trans-linear loops designed with M;_4 and M5 g [5.5]. The general
idea is that the gate source voltages of M; and Mjs are controlled by these
translinear loops such that:

Vgsl + V’s4 = Vgs3+ v,

g 2 (5-4)

When M3 and My operate at the same drain current density, their gate-source
voltages are equal, so the gate-source voltages of M; and M, should also be
equal. This means that the current through M| when I,;=0, i.e. the quiescent
current, is equal to:

I WILZ
““ W2L1

1. (5-5)

In this design the output transconductance was designed to be 2500 pnA/
V in order to drive a 100 pF output capacitor with a unity gain frequency of
4 MHz. Since this stage has two preceding stages, and Miller compensation is
used, the overall amplifier has a unity gain of 1IMHz [5.4]. Since M; and M;
were only operating in moderate inversion, the quiescent current /, through M,
and Mj is 250 pA.

Transistors Mg and M, are a copy of M, and Mg. They are added to
improve the offset voltage of the operational amplifier, by keeping the drain
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source voltage of cascode transistors M, and M;4 almost equal. Without the
transistors Mg and M, the drain-source voltages of M, and M4 would
differ by a few volts, which in turn would cause their gate-source voltages to

differ, thus causing an input offset.

/11 Mig |——| Mis Mlé \—%Mz Voo
VBI MI3 M1'| M3
IEM
1 1
M M
Vi:—l Mi7 Mg }_‘ 9%! 4r|z|_ll C1|1_
L Vout
] Uq
e 2
|
V2 g H‘Mu II: Ms
Oew,
bl@ élb Ms @lk Vss

Fig. 5-4  Two-stage class-AB output operational amplifier implementation
Of G 1 and G2.
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M9|:_“ Mm;l |EIM11 M1 Vss

Fig. 5-5  Folded cascode with auxiliary input for offset compensation
and a common-mode feedback circuit.
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Input stages

The input stages G; and G are implemented using a folded cascode topology.
The circuit of Gz with its auxiliary input G4 can be seen in figure 5-5. PMOS
input transistors M3 and M, are used to implement G;. Cascode transistors
M, _4, current sources /, and /3, and current sources Mg and M, are used to
implement a fully-differential folded cascode operational amplifier. The
current through Mg and M, is controlled by a common-mode feedback
circuit designed with a differential-difference amplifier composed of long
PMOS transistors Ms_g. These transistors are long to achieve a low
transconductance and a wider linearity range. This amplifier compares the
output common-mode voltage to the voltage V-, and adjusts the current
through M;; to keep the output common-mode voltage equal to V.

M5 and M4 form the auxiliary input for the offset compensating
voltage. Its output current is summed together with the output currents of M3
and M;4. A MOS transistor biased with a drain current /; in weak inversion
has the transconductance g ~I,/nV,,. In the process used, nV,;,=50mV at
room temperature. Thus, the differential input V,,,, is effectively limited to
about 50 mV. The transconductance of G4 is chosen a factor of four lower
than the transconductance of G3 by making /4 four times smaller than /;. This
means that the /kT/C noise voltage associated with the sample-and-hold is
reduced only by a factor of four, when referred to the input. Probably a better
implementation would involve degenerating the differential input pair with a
resistor Ryeo. A transconductance of g, ~1/Ry,, would then be obtained and
the range of V,,, is given by /R, , which can be made much larger then
50 mV. In the implementations discussed in section 5.3 and chapter 6, the
auxiliary amplifier was implemented in this way. This wider limit would
make better use of the integrator’s output dynamic range.

For G, the same topology is used, but without the auxiliary input.
From equation (5-2) it can be seen that the ripple amplitude is proportional to
Gg and inversely proportional to the chopper frequency F.. Therefore, the
transconductance of Gg is designed to be 100 times lower than that of G5 by
applying bias currents that are 100 times lower. This choice was made in
order to contain the ripple at the output of the integrator at low chopper
frequencies and to be able to measure at a 1 kHz chopper frequency. The low
transconductance actually improves the DC voltage gain of G4 with respect to
G;. However, it destroys the low frequency noise performance of the whole
amplifier, since this is dominated by the white noise of Gg.
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Integrator

In order to achieve less then 0.1 uV offset, while the initial uncompensated
offset is 10 mV, the DC voltage gain of G4, G5 and Gg4 has to be at least
100 dB more than of G5, as can be seen in equation (5-1). The DC gain of G4
is 4 times less than that of G3. The DC gain of G is about 50 dB over corners.
A voltage divider with a voltage ratio of 25 was added after the integrator, to
make use of the dynamic range of the integrator. These decisions led to
required 80dB DC voltage gain.

Therefore, the operational amplifier G5, which is used as an integrator,
was implemented by a two-stage amplifier as shown in figure 5-6. Transistors
M; and My form an input differential pair, while transistors M| and M, form the
output gain stage. Miller capacitances Cyy; and Cy, are used to assure local
stability. A resistor R_4 network is used to sense the output common-mode
voltage. This resistor divider also divides the output of the integrator
capacitances by a factor of 25. Transistors Ms and Mg make the output
common-mode voltage equal to a set voltage V', at the source of the replica
transistor M. With this common-mode feedback, a rail-to-rail output can be
created, which is needed to handle the chopper ripple. To make optimal use of
the output dynamic range, V', could be fixed at 0.5V .

_|_ Ri |:| Ut S&H
C1 -|- Rz[:l Vour
M M Vew |
v,-,f—l ¢ 3 }_‘ _|_R3[] o to S&H
G - —*
-|— R4D out- to C52
VourC+

Cmn L

al | HIm " j% "

Fon
LS Ol BO  vgs

Fig. 5-6  Two-stage class-A operational amplifier with resistive
common-mode feedback.
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Bias generator

All the transconductance setting transistors in the amplification stages of the
amplifier are of the PMOS type. To implement a constant transconductance
over temperature, a bias generator (illustrated in figure 5-7) was used. This
biasing is used in all implementations. In this part of the book it will be shown
that this biasing technique ensures a constant transconductance over
temperature.

In weak inversion, the effective gate-source voltage of a PMOS
transistor is given by:

[d
Vgsey=VrVes=n ¥yt (5-6)

where n,, is the weak inversion slope factor of a PMOS transistor, which is
about 2 for the used CMOS processes, and /; is the specific current, which for
a PMOS transistor is given by:

R~ (5-7)

1,=2m,Co Vo

ox

So when M, is x times wider then M the current through R, is:

;" V,Inx (5-8)
ptim R >
ptim
Voo
Rptim
M1 T Mo
xWo/L; Wo/L,

] LI I I
Ma<! Ms'>  Me> M7 s
Wa/L4 Wa/lg Wa/Ly Wa/lLg :

Fig. 5-7 PTIM current source.

95



Realizations of Operational Amplifiers

which is actually a current proportional to absolute temperature. When a
PMOS transistor operating in weak inversion is biased with a multiple of this
current, its transconductance will be proportional to the value of the resistor
since:

1y 1
S APV S (5-9)
" np Vth Rptlm

For strong inversion the effective gate-source voltage of a PMOS transistor is

given by:
V5o =VrVes = | pcox WJd (5-10)

The voltage over the resistor Ry, can be expressed as:

2 Lz /Lz
V,= L4V I 5-11
ke /\/“'pcox W2 /\/ C Wl d n- [ W2 Wl p ox 4 ( )

Under the condition that the threshold voltages of M; and M, are equal and
substituting V=R, ;. [, L,=L, and W, =xW, this leads to:

ptim

L2 L
R2 Wl X '

ptim

1=

5-12
l'lPCox ( )

This current is proportional to the inverse of the mobility p,, hence the name
PTIM. The mobility is proportional to T™", where n~2.2 [5.6]. The value of n
depends on doping concentration. If a multiplication of this current is used to
bias a PMOS transistor in strong inversion, it can be seen that, again, its
transconductance is proportional to the resistor value since:

(5-13)

Assuming that Ry, is constant over temperature, which is true for thin-film
resistors, which are available in many CMOS processes, it is clear that this
biasing leads to a transconductance, which is, to first order, constant over
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temperature. However, both the transconductance setting transistor and the
bias current setting transistor should operate in the same region. In other
words, this technique works best if the current density of M, matches the
current densities of the transconductance setting transistors in the
amplification stages. The transistors should also be of the same type to avoid
influences of the p and n type doping.

Current consumption

In simulations the amplifier draws a total current of 770 pA. In table 5-1, both
the value of the transconductance and the current consumption of each stage
as well as the values of the capacitors are given. Although this design isn’t
designed for optimal current consumption, it can be seen that the nested
stabilization loop that compensates for the offset of the integrator Gs
consumes only 12% of the total power.

Table 5-1. Capacitor values, transconductance, and current consumption of

each stage.
Transcon- Current Cap
Stage | ductance | consumption || Capacitors value
G1 2.5mA/V 260 H,A C11+C12 SpF
G, 130 pA/V 110 pA Cy & Cyy 60 pF

Gy | 400 uA/V | 180 pA

G; 40 pA/vV 40 pA Cs1 & Csp 40 pF
G 4 uA/V 2 uA

G, 10 pA/V 1 uA

Gg 40 pA/vV 40 pA Cg1 & Cgp 10 pF
Go 4 uA/V 2 uA

Gyo 1 pA/V 100 nA

Gy 40 pA/vV 40 pA Ci11 & Cyp | 10pF
Bias 100 pA
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Fig. 5-8  Chip micrograph.

5.2.3 Measurement results

The design was implemented in a 0.7 pm CMOS process, with a chip area of
3.6 mm?. The chip micrograph is shown in figure 5-8. The measured supply
current is 700 pA from a 5 V supply voltage.

Frequency response

In figure 5-9 the measured frequency response of the complete amplifier is
shown. With a 50 pF load, the unity-gain frequency is 1.3 MHz with a
56-degree phase margin. The circuit is also stable with a closed-loop DC gain
of 80 dB and has a 20 dB per decade roll off, which demonstrates the efficacy
of the multi-path hybrid-nested Miller compensation.
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Fig. 5-9 Bode plot at a DC gain of 80 dB with a 50 pF load.
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Fig. 5-10 Spectrum  of  the
output noise (gain 40 dB) of: (a)
the amplifier without
offset-stabilization;  (b)  the
amplifier with chopper (4 kHz)
offset-stabilized turned on; (c)
as b with the sample-and-hold
(2 kHz) and nested stabilization
loop turned on.

Noise spectrum

The noise spectrum is measured at the
output of the amplifier. For these
measurements, the amplifier is used in
an inverting configuration with a DC
gain of 40 dB. The —3dB bandwidth is
around 10kHz. The output noise
spectrum of the amplifier with the offset
stabilization technique turned off is
shown in figure 5-10a. Low frequency
1/fnoise can be seen.

The output noise spectrum with the
chopper offset-stabilization turned on is
shown in figure 5-10b. The 1/f noise is
now suppressed by the chopper
amplifier, and an increased white-noise
level at low frequencies can be observed
since the stabilization loop produces
more noise than the main amplifier. The
input referred noise density is of
140 nV/VHz. The chopper frequency is
4 kHz and the chopper ripple is visible
as a small peak. When observed on an
oscilloscope, the ripple is triangular
with an amplitude of about 250 uV
amplitude ripple.

In figure 5-10c, the output noise spectrum
is shown with the sample-and-hold and
nested stabilization loop turned on. In this
measurement the sample-and-hold runs at
2 kHz, and it can be seen that the chopper
ripple is now effectively suppressed.
When observed on an oscilloscope, the
ripple is below the noise level. However,

since the sample-and-hold under-samples the wide band noise of the stabilization
loop, the total noise increases somewhat.
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Fig. 5-11 Initial offset without any stabilization.

Offset

First, the initial offset of the amplifier was measured without activating any
offset-stabilization circuits. Secondly, the chopper offset-stabilization circuit
was activated, resulting in the circuit of figure 5-1 without the sample-and-hold
activated. Next, the offset stabilization loop of the integrator was activated in
order to realise the circuit of figure 5-3, but without the sample-and-hold.
Finally, the sample-and-hold was also enabled. The measurements were made
on 19 samples using an external clock generator. The measurements results are
summarized in table 5-2.

-y
~ ® © O

#devices

O =N W s OO

— }

100 80 60 40 20 0 20 -40
input referred offset (UV)

Fig. 5-12 Offset of a chopper offset-stabilized operational
amplifier without nested stabilization loop.
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First, the offset of the amplifier without offset-stabilization is
presented. A histogram of all 19 samples is shown in figure 5-11. A 0.1mV
average offset with a 1.5 mV average absolute deviation was measured. The
average absolute deviation from the mean was used as a figure of merit for the
spread in offset voltage, because the measured offset distribution was not
truly Gaussian.

Second, the chopper offset-stabilization loop was activated, but with
both the nested integrator offset-stabilization loop and the sample-and-hold
switched off. A histogram of all 19 samples is shown in figure 5-12. With an
externally applied clock frequency of 16 kHz, a 16 uV average offset with a
30 uV average absolute deviation was measured. Consequently, the spread is
50 times lower than without offset compensation. The main cause of residual
offset is the offset of the integrator. This corresponds with the results of
simulation.

Third, the nested offset-stabilization loop of the integrator was
activated. A —1.4 pV average offset with a 0.5 uV average absolute deviation
was measured. A histogram is presented in figure 5-13. This shows that this
nested stabilization loop lowers the offset of the whole amplifier by more than
a factor of 10 and reduces the spread by a factor of 60. The input-referred
amplitude of the triangular ripple can be seen on an oscilloscope and can be as
high as 250 pV.

clock freq 16kHz without SH

#devices
(9]

0 526-05-075 1 12515175 2 225-25 275 3

input referred offset (uV)
Fig. 5-13 Offset of a chopper offset-stabilized operational
amplifier  with nested stabilization loop
excluding sample-and-hold.
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Fig. 5-14 Offset of chopper offset-stabilized
operational amplifier according to figure 5-3
including the sample-and-hold.

Finally, the sample-and-hold was activated to reduce the chopper
ripple below the noise level, and offset was measured at three different clock
frequencies. Theoretically, the offset should not be influenced by the
sample-and-hold action. However, due to the reduction of the chopper ripple,
some on-chip capacitive cross-talk effects were also reduced, which resulted
in a somewhat lower average offset and average absolute deviation. The
histogram of the measurements with a 16 kHz clock is shown in figure 5-14.

Table 5-2. Offset measurement statistics.

Circuit Clock Average Absolute average
complexity frequency offset offset deviation (LV)
(kHz) (V)
A initial amplifier 16 100 1,500
B figure 5-1 with- 16 16 30
out S&H
C figure 5-3 with- 16 -14 0.5
out S&H
D figure 5-3 16 -1.22 0.33
4 -0.8 0.13
32 -1.81 0.67
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With a 4 kHz clock frequency, an average offset plus average absolute
deviation of less than 1 pV was achieved. From table 5-2 it can be seen that
the offset spread increases with the clock frequency. Therefore, it can be
concluded that clock-frequency-dependent capacitive cross-talk and charge
injection are the main sources of the remaining residual offset.

5.3 Chopper and auto-zero offset-stabilized
operational amplifier

In this section of the book, a chopped and auto-zeroed offset-stabilized
operational amplifier will be presented. This design was implemented after
the instrumentation amplifier presented in section 6.3, and in parallel with the
instrumentation amplifier presented in section 6.2. This amplifier was
implemented to investigate the performance of a chopper and auto-zero
offset-stabilization topology, as discussed in chapter 3, and to reduce power
consumption.

First the topology is presented. After that the transistor implementations of
the transconductances used in this realization are shown. Then the measurement
results are shown in section 5.3.3. This section ends with conclusions.

5.3.1 Topology

The topology presented in this section is based on a two-stage amplifier.
Around the first stage, a chopped and auto-zero offset-stabilized loop is
implemented, as can be seen in figure 5-15. Stages G; and G, form a main
amplifier implemented as a two-stage class-AB amplifier. The stabilization
loop around G, consists of a chopped auto-zeroed amplifier, and an integrator.
Stage G3 is an auxiliary input for this two-stage amplifier. The integrator,
implemented with G, and capacitors C4; and Cg4y, applies an offset
compensating voltage to the inputs of Gs. The chopped and auto-zeroed
amplifier G5 measures the offset of the main amplifier. Stages G5 and G, are
implemented as a folded cascode and a gain-boosted folded cascode,
respectively. Capacitors Cyj_1a, C3;_3, and C4y_4, form the hybrid-nested
Miller frequency compensation, as discussed in section 3.3.2.
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Fig. 5-15 Chopped Auto-zeroed offset-stabilized operational
amplifier.

Instead of sampling the integrator output voltage, as was discussed in
section 5.2.1, in this design the auto-zero technique is used to reduce the
chopper ripple. As shown in equation (5-2), the chopper ripple is
proportional to the initial offset of the chopped amplifier. Therefore,
auto-zeroing this offset significantly reduces the chopper ripple, as discussed
in chapter 3.3.5. Clock F, is used to drive the auto-zero action.

In this design, the chopper switches, driven by clock F, are also used
as auto-zero switches, i.e. to implement clock £;. Therefore, they are drawn
as separate switches in figure 5-15. All clocks are generated synchronously
with an on-chip oscillator and logic. The timing diagram is shown in
figure 5-16.

The chopper clocks F, and F, alternate in time in order to drive the
input more symmetrically. Because logic is already needed to implement
clock F, this alternating algorithm only adds an insignificant portion to the
complexity.

Comparing this design with the previous design, the input stage G4 has
a higher transconductance. Therefore, the white noise level should be much
lower. However, the switches driven by F, and F, can limit the white noise
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Fig. 5-16 Timing diagram.

floor of the whole amplifier, because the noise contribution of the R, of
minimum size switches is significant in comparison to the amplifier Gs. In this
case, these switches are chosen with W/L=11/0.7 um instead of minimum size
switches of W/L=2/0.7 um, which means that their charge injection is a factor
5.5 more significant. This in turn leads to a higher residual offset.

The offset of G4 influences the residual offset, because it appears as a
chopped voltage that charges and discharges the parasitic output capacitance
Cps of Gs. The required current is provided by Gs, which means that a voltage
must be present at its input. Hence there is a residual offset at the input of the
amplifier. This residual offset is given by:

OFES:%' (5_14)
Gs
If Cp5=1pF, Fc=30 kHz, and G5s=200 nA/V, then a 10 mV offset
would cause a residual offset of 6uV. To be able to achieve a lower offset, an
auto-zero offset-stabilization technique is used around the integrator, as
shown in figure 5-17. The transconductance G is auto-zeroed with clock F;.
During clock F; the auto-zeroed transconductance G; measures the offset of
integrator G4, and applies current to capacitor Cps, which functions as a
passive integrator. Transconductance G, is implemented as a copy of Gs.
Stage Gg is an auxiliary input of Gy. The offset V, of integrator
transconductance G4 can be reduced down to:

V4res_ G4
V4 _A07G6 ’

(5-15)
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Fig. 5-17 Chopped Auto-zeroed offset-stabilized operational amplifier
with auto-zero offset-stabilized integrator.

where A 7 is the DC voltage gain of G;. Transconductances G4 and G share
the same output impedance.

Furthermore, during the auto-zero action the inputs of Gs are
alternatingly connected to the positive or negative input of the whole
amplifier. Without doing this the charge injection would only be applied to
one input, leading to a systematic cause for residual offset. In this
implementation only the charge injection mismatch between the switches that
are driven by F;,,, F;, F,, and F,, introduces residual offset.

5.3.2 Circuits

So far the topology has been discussed. This part of the book focuses on the
circuits with which this design has been implemented. First the implementation
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of G;, G, and G5 will be discussed. Then the implementation of the chopper
amplifier G5 is presented. Finally, the integrator amplifier G4 is discussed.
The transconductances are biased with the same biasing technique as described
in section 5.2.2.

Input and output stage

In figure 5-18 the implementation of G, G, and G5 is shown. In comparison
to the realization shown in figure 5-4, this output stage G; consumes two
times less quiescent current. Since a two-stage topology is used, only half the
transconductance is needed to obtain the same unity gain frequency as a
Miller compensated three-stage amplifier.

To improve the independence of quiescent current to the power supply
voltage Vpp, cascode transistors Mg and M, are added to the class-AB
biasing transistors My and Mg. The quiescent current is dependent on the
drain source voltage of M4 and Mg, which is dependent on Vpp. The cascodes
Mg and M, fix the drain source voltages of M4 and Mg.

To keep the drain source voltage of M4 at the same level as M5,
transistors M;; and Mg are added. Since their drain current is twice as high

2”? Mo |F——[ M2o /lé M3 Voo
Va1 I M3 Mjq ‘—‘_MS
M
] Ma1 Mz IE 1

Vin

L Vout

Ly LY
=

[I7.

Va2 I'_MM | Mhz L|_M6
2”; 12/ Mgy @U Vss

Fig. 5-18 Two-stage class-AB operational amplifier with improved
dependency of quiescent current to Vpp and degenerated
auxiliary input.
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Fig. 5-19 Folded cascode operational amplifier.

as of Mg and M at quiescent, their width is doubled to keep the same current
density.

The auxiliary input G; is implemented as a degenerated differential
pair. This degeneration makes the differential input range approximately 1V,
making the resistor divider in front of the auxiliary input, as used in the
previous section, superfluous.

The chopper amplifier G5 is implemented as a folded cascode
amplifier, as shown in figure 5-19. Again, the common-mode feedback circuit
is designed with a differential difference amplifier composed of long PMOS
transistors Ms_g.
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Integrator

In this design for the integrator operational amplifier G4, the two-stage
configuration was not used. Instead a single stage gain-boosted topology
[5.7], as shown in figure 5-20, was used. The gain-boosting amplifiers are
shown in figure 5-21.

Gain-boost amplifier G, fixes the drain voltages of M3 and M4 to a
voltage Vp,, while gain-boost amplifier G, fixes the voltage over current
sources /, and /3 to Vg, thus creating a very high output impedance. Again,
the common-mode feedback circuit has been designed with a differential
difference amplifier composed with long PMOS transistors Ms_g. In this
topology the integrator does not have to be able to drive a large chopper
ripple. Consequently, this common-mode feedback can be used because a
rail-to-rail output stage is not necessary.

The gain-boost amplifiers G, and G, are depicted in figure 5-21. They
both use input common-mode feedback to apply the voltages Vz; and Vg, to
the inputs of the gain-boost amplifiers.

20pA 10uA 10pA 2,54A 2,51A

i WO vy HO  We  He

Gy V.
M1z Mg %] [ “
fy 400/1 400/1 V
mn out:
ﬁmmHmwﬂ
VOUf+

251
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Vg2

Mo | Mo |
40/10 |:_ll 20/10 |_(J [ 1 I;NS‘AJ I.:INLJ]% Vss
200A 200A 250A 250A

Fig. 5-20 Gain-boosted folded cascode topology.
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Fig. 5-21 Folded cascodes amplifiers with PMOS and NMOS input
pairs both using input common-mode voltage control.

Table 5-3. Capacitor values, transconductance, and current consumption of

each stage.
Transcon- Current
Stage | ductance | consumption || Capacitors | Cap value
Gl 1 mA/V 55 l.,lA C11+C12 32 pF

G, | 200 pA/V 55 nA
Gy | 25pAV 7.5 pA C3 & C3y 32 pF

Gy 200 pA/V 50 pA Cy1 & Cyy 24 pF
Gs 200 pA/V 55 uA Ca1 & Cypn 4 pF
G 50 uA/V 7.5 nA Cas 4 pF
Gy 200 pA/V 55 uA Cpz & Cpy 4 pF
Bias 4 pA
Osc 10 pA

Current consumption

The amplifier as a whole is designed to consume 300 pA of current. In
table 5-3 the value of the transconductance of each stage and the current
consumption of the stage as well as the values of the capacitors are given. The
bias current and oscillator consume 4 and 10 pA, respectively.
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Fig. 5-22 Chip micrograph.

5.3.3 Measurement results

The design was implemented in a 0.7 um CMOS process, and the chip
micrograph is shown in figure 5-22. The chip area is 2.7 mm?. The measured
supply current is 280 pA from a 5.5 V supply voltage.

Noise Spectrum

The noise spectrum was measured at the output of the amplifier. For these
measurements, the amplifier was used in an inverting configuration with a
DC gain of 40 dB. The spectrum is shown in figure 5-23. The measurement
shows that the input referred noise is 33 nV/\Hz. The 1/f noise is effectively
suppressed by the combination of the chopper and auto-zero offset stabilization
technique.
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Fig. 5-23 Spectrum of the output noise (gain 40 dB) showing that the noise is
3.3 uV/VHz, indicating that the input referred noise is 33 nV/vHz.

Offset

In figure 5-24 the offset performance of two samples is shown versus the
common-mode input voltage Vi, at supply voltages V,;=3.3 V and
V44=5.5 V. From this measurement it can be concluded that the CMRR is
125 dB and the PSRR is 118 dB.
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Fig. 5-25 Bode plot of the operational amplifier in an inverting
amplifier configuration with a DC gain of 40 dB.
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Frequency response

A measured Bode diagram is shown in figure 5-25. The measured unity gain
frequency is 620 kHz with a phase margin of 57°. A chopper artifact can be
noticed in the Bode diagram around 25 kHz. This artifact is caused by
aliasing, caused by the sampling action of auto-zeroing.

5.4 Conclusions

In this chapter two operational amplifiers have been presented. The first is a
chopper offset-stabilized operational amplifier, and the second is a chopper
auto-zero offset-stabilized operational amplifier. Both circuits were
implemented in a 0.7 pum CMOS process.

A chopper offset-stabilized operational amplifier with a GBW product
of 1.3 MHz, a 140 nV/\Hz low frequency input referred noise and an offset of
less than 1 uV at a 4 kHz chopper frequency, or an offset less than 1.5 uV ata
chopper frequency of 16 kHz, was presented. The circuit consumes 700 pA
from a 5.5V supply voltage.

This design proves that it is possible to design a low-offset wide
bandwidth chopper offset-stabilized amplifier. It was shown that the use of a
nested offset-stabilization loops significantly reduces the residual offset of the
amplifier, and that the use of a sample-and-hold reduces the chopper ripple.

A chopper and auto-zero offset-stabilized amplifier was presented,
which has a GBW product of 620 kHz, a 33 nV/\Hz low-frequency input
referred noise, and an offset of less than 1.5 uV at a supply voltage of 3.3 V
with a 25 kHz chopper frequency, and a 12.5kHz auto-zero frequency. The
circuit consumes 280 pA from a 5.5 V supply voltage.

This design proves that a chopper auto-zero offset-stabilized
operational amplifier is feasible. In comparison to the first design, in the
second design the power consumption was reduced by 60%. Moreover, the
noise level at low frequencies was also reduced, because of the use of a 50
times larger transconductance as stabilizing amplifier.

However, the lower noise also required a wider chopper switch to
achieve a lower R, . The resulting higher charge injection, together with the
higher chopper frequency, leads to a higher residual offset.
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6.1 Introduction

In chapters 2 and 3, the theory necessary for designing low-offset CMOS
amplifiers was presented. In the previous chapter, implementations of
operational amplifiers designed using this theory were discussed. This chapter
focuses on realizations of the indirect current-feedback instrumentation
amplifiers discussed in chapter 4.

This chapter focuses on two realizations of indirect current-feedback
instrumentation amplifiers. The first is a chopper and auto-zero
offset-stabilized indirect current-feedback instrumentation amplifier. The
second is an indirect current-feedback instrumentation amplifier for high-side
current-sense amplifier applications.
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6.2 Low-offset indirect current-feedback
instrumentation amplifier

6.2.1 Introduction

In this section of the book, a chopped and auto-zeroed offset-stabilized
indirect current-feedback instrumentation amplifier will be presented. This
design was implemented after the design which will be presented in
section 6.3, and in parallel with the design presented in section 5.3. The
purpose of this design is to investigate the performance of a chopper and
auto-zero offset-stabilization topology for an instrumentation amplifier as
discussed in chapter 4. This design is very similar to the design presented in
section 5.3, except that extra input stages have been implemented to achieve
an indirect current-feedback instrumentation amplifier.

First, the topology of the amplifier is presented. After that the
transistor implementations of the used transconductances are discussed.
Finally the measurement results are shown.

6.2.2 Topology

The simplified block diagram of the amplifier is shown in figure 6-1. There are two
signal paths: a high-frequency path and a low-frequency path. The high-frequency
path consists of input transconductor G,;, which amplifies the input voltage V;,,
while feedback transconductor Gy, amplifies the feedback-voltage V7, across the
resistor divider R, and R;. This voltage is proportional to the output voltage V.
The difference in their output currents drives the output stage Gy. The low
frequency path consists of a chopped input transconductor Gs;, which also
amplifies ;,, and a chopped replica transconductor Gsj, which also amplifies Vg,
The difference in their output currents drives an integrator around Gy, which in turn
drives a transconductance Gs. If the transconductances of Gs5; and Gs, are equal,
the integrator’s output will converge until V;, and V4, are equal. When ¥}, and V7,
are equal, transconductance G; compensates for the offset of G,; and Gy, by
applying a current /3.
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Fig. 6-1 Simplified topology of a chopped offset-stabilized
current-feedback instrumentation amplifier.

Input stages Gs; and Gs, determine the low-frequency characteristics.
The DC gain of the instrumentation amplifier can be expressed as:

V. R,+R,G5; R;+R,

out __
Vi - RZ G52 RZ ’

(6-1)

n

assuming that Gs; and Gs, are identical.

Since there are two input stages in this implementation, the offsets of
Gs; and Gs, create twice the chopper ripple compared to the operational
amplifier implementations discussed in chapter 5. In order to reduce the
chopper ripple in this design, a combination of both chopping and
auto-zeroing was used, as discussed in section 5.3. This implementation,
which is shown in figure 6-2, is similar to the operational amplifier shown in
figure 5-15.

During the auto-zero phase F,,, both the inputs of Gs; and G5, are
shorted, and both transconductance stages are put into a unity gain
configuration. During this phase the input offset voltages are stored on Cx; to

CA4.
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Fig. 6-2  Simplified topology of a chopped auto-zeroed offset-stabilized
current-feedback instrumentation amplifier:

As discussed before in section 5.3, the offset of the integrator V,
together with the parasitic capacitance Cy,5 seen at the inputs of CHy, again, is
a cause of residual offset. This residual offset is given by:

4V, F-C
V()res = %LS . (6'2)
5

Therefore, an auto-zero offset-stabilization technique is used around
the integrator, as shown in figure 6-3. The transconductance G~ is auto-zeroed
with clock F;. During clock F,, the auto-zeroed transconductance G
measures the offset of integrator G4 and applies current to capacitor Cps,
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Fig. 6-3  Actual implementation of the chopped auto-zeroed offset-stabilized
instrumentation — amplifier  with — auto-zero  offset-stabilized
integrator.

which functions as a passive integrator. Stage Gg is an auxiliary input of Gy.
The offset 7, of integrator transconductance G4 can be reduced down to:

V4res= G4

= > 6-3
Vi AyGq (6-3)

where A7 is the DC voltage gain of G4. Transconductors G4 and G share the
same output impedance. The timing diagram is shown in figure 6-4.
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Fig. 6-4 Timing diagram.

6.2.3 Circuits

The circuits are very similar to the circuits shown in the operational amplifier
implementation of chapter 5.3. The only difference is that there are additional
input stages to implement the feedback and replica inputs of the indirect
current-feedback amplifier. The implementations of G, G,;, Gy;, and G5 are
shown in figure 6-5. The implementations of Gs; and Gs, are shown in
figure 6-6.
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Fig. 6-5 Implementation of G;, G5}, Gy), and G3.
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Table 6-1. Transconductance and current consumption of each stage.

Transcon- Current
Stage ductance | consumption || Capacitors Cap value
G, 1 mA/V 55 uA Cy1+tCoa 32 pF
Gy +Gyy | 220 pA/V 75 pA
G; 2.5 uA/V 7.5 pA C31 & Csy 32 pF
Gy 200 pA/V 50 uA Cy1 & Cyp 24 pF
Gs5;+Gsgy | 220 pA/V 75 pA Ca1 & Cpy 4 pF
Gg 50 pA/V 7.5 pA Cas 4 pF
G5 200 pA/V 55 uA Caz & Cpy 4 pF
Bias 4 pA
Osc 10 pA
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Fig. 6-6 Implementation of Gs; and Gs).

The integrator transconductor G, is implemented as shown in
figure 5-20, while the transconductor G, is implemented is shown in
figure 5-19.

Current consumption

The amplifier as a whole is designed to consume 340 pA of current. In table 6-1,
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for each stage both the value of the transconductance and the current consumption
of the stage as well as the values of the capacitors are given.

6.2.4 Measurement results

The design was implemented in a 0.7 um CMOS process, and the chip
micrograph is shown in figure 6-7. The chip area is 3.5 mm?. It could have
been 2.8 mm?, if the layout of the internal transconductance stages had not
been optimised for the operational amplifier design presented in figure 5.3.
The measured supply current is 325 pA from a 5.5 V supply voltage.

Fig. 6-7  Chip micrograph.

Noise

The noise spectrum was measured at the output of the amplifier. For these
measurements, the amplifier was used in an inverting configuration with a
DC gain of 40 dB. The spectrum is shown in figure 6-8. The measurement
shows that the input referred noise is 42nV/VHz. Compared to the
operational amplifier described in section 5.3 the noise increases with a factor
1.3. The noise seems flat and the 1/f corner is below 10 Hz.
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Fig. 6-8  Spectrum of the output noise (gain 40 dB) showing that the
noise is 4.2 uV/VHz, which indicates that the input referred

noise is 42 nV/Viz.
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Fig. 6-9 Bode plot of the operational amplifier in an inverting
amplifier configuration with a DC gain of 40 dB.
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Frequency response

A measured bode plot is shown in figure 6-9. The measured unity gain
frequency is 630 kHz with a phase margin of 57°. Around 25 kHz a chopper
artifact can be observed. This artifact is caused by aliasing, caused by the
sampling action of auto-zeroing.

Offset

The offset performance as a function of the supply voltage is shown in
figure 6-10. From this figure it can be seen that the PSRR is 114 dB. In
figure 6-11 the offset performance is shown versus the common-mode
reference voltage ¥, at supply voltage V;;=3.3V and Vy;=5.5V. In
figure 6-12 the offset performance is shown versus the common-mode input
voltage Vg, at supply voltage V,;;=3.3 V and V;=5.5 V. It can be seen
that the offset voltage is less than 2.5 uV for a supply voltage of 3.3 V. The
CMRR for both V,.rand Vi, is 130 dB for V,;;=5.5 V.
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Fig. 6-10 Offset as a function of supply voltage Vpp.
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Gain accuracy

In a current-feedback instrumentation amplifier, the value of the input
transconductance can change over the input common-mode voltage, causing
gain errors. Therefore, not only are offset, CMRR and PSRR important, but
also the gain accuracy is important over the entire input common-mode range
and reference common-mode range.

In figure 6-13 the gain is shown as a function of reference
common-mode voltage V,, A discrepancy in gain can be seen, because the
measurement setup has offset, and the input signal had to be inverted to
prevent the output from clipping. In figure 6-14 the gain is shown as a
function of input common-mode voltage ¥, It can be seen that the relative
gain error is smaller than 0.05% from 0 to 3.6 V.

6.3 High-side current-sense amplifier

In this part of the book an indirect current-feedback instrumentation amplifier
will be discussed for high-side current-sense applications [6.1]. First,
current-sensing will be introduced. Afterwards, the topology of the used
amplifier will be discussed in section 6.3.2. The circuits used in the
implementation of this topology will be shown in section 6.3.3. Measurement
results will be presented in section 6.3.4, followed by conclusions.

6.3.1 Current-sensing

Sensing supply currents is a fundamental requirement in many electronic
systems, and the techniques to do so are as diverse as the applications
themselves. Typical applications include: over-current protection,
programmable current sources, and Coulomb counting to monitor the charge
level of a battery.

The supply current is typically measured or sensed through a small
current-sense resistor in series with the battery and load. So basically there
are two options to implement this current-sense resistor Rg. It can either be
implemented between the negative power supply and the load, which is called
low-side current-sensing, or at the positive power supply, which is called the
high-side current-sensing, both of which are depicted in figure 6-15. The
voltage across the sense resistor will be amplified by a current-sense
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Fig. 6-15 Current-sensing principle (a) low-side, (b) high-side.

amplifier. In many applications it is also preferable to measure the supply
currents through multiple loads.

Because of the low input common-mode voltage of the low-side
current-sense amplifier, a single supply instrumentation amplifier could be
used to amplify this signal. However, a high-side current-sense amplifier
should also be able to withstand a high input common-mode voltage and refer
its output voltage to ground. The implementation presented in this section
focuses on the challenges of designing a high-side current-sense amplifier.

However, there are important system-level disadvantages of low-side
current-sensing [6.2]. Firstly, the load is shifted from ground, which could be
a problem in a system design with multiple parallel current-sense systems.
Secondly, various fault mechanisms cause a load to be shorted to ground,
which bypasses the current-sense resistor and cause currents to remain
undetected by low-side current-sensing. These facts increase the demand for
high-side current-sense amplifiers. A few specifications can be derived by
focusing on the application of measuring the current flowing through a
laptop-battery. Nowadays battery voltages already range up to 15V, but they
are expected to increase in the future. Moreover, a higher voltage is applied
over the battery while it charges. Therefore it is not outrageous to design for a
30 V maximum input common-mode voltage. After all, the current flowing
through the laptop battery can range from a stand-by current of approximately
10 mA to high-power currents of 10 A.

Generally speaking, to minimize the sense-resistor’s value and its
power dissipation, two specifications for high-side current-sense amplifiers
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Fig. 6-16 Bidirectional high-side current-sense system.

are critical: input offset voltage and common-mode rejection ratio (CMRR).
In a laptop-battery application, a sense resistor of 1 mQ means that the input
voltage V;, can range from 10 pV to 10 mV. Therefore, the input offset should
be smaller than 10 uV and the CMRR should be higher than 130 dB to keep
the offset below 10 uV over a 30 V range.

The circuit shown in figure 6-16 can be used to monitor the charge
level of a battery. The current-sense amplifier Ag monitors the bidirectional
current through the battery. This amounts to V,;;>V . for load currents and
Vout<Vier for charge currents. A user can select V¢ to optimise the output
dynamic range of the current-sense amplifier for its application; if there is no
interest in the charging currents V. can be equal to ground. The ADC
digitizes the output of the current-sense amplifier Ag. A micro-processor then
integrates this value and stores a value, which is proportional to the charge in
the battery. This application requires the current-sense amplifier to have a
gain error of less than 0.5%. Moreover, because the laptop can consume
power in spurs, a signal bandwidth of 1 kHz is also required.

Many topologies can be used for implementing a current-sense
amplifier: a resistor bridge amplifier, a flying or switched capacitor amplifier,
a current follower, or an instrumentation amplifier implementation. The last
two are shown in figure 6-17.
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Fig. 6-17 High-side current-sense amplifier based on (a) a V-to-1
converter, (b) an indirect current-feedback instrumentation
amplifier.

In figure 6-17a, a current follower topology is used [6.3]. The gain of
operational amplifier A; forces the sense voltage ¥}, onto the input resistor
R;. The current through this resistor equals the output current. For positive

V., the gain of the current-sense amplifier can be expressed as:

YouVres _Row (6-4)

Vin R,

Transistor Q, isolates the high-voltage input from the low-voltage
output, but offers no output voltage limit. To achieve a low-offset
current-sense amplifier, the operational amplifier A, can be designed for low
offset, as discussed in the previous chapters.

A topology based on an indirect current-feedback instrumentation
amplifier is shown in figure 6-17b. By making use of current summing at the
outputs of G and G,, the input and output, or reference common-mode voltage
can be isolated [6.4][6.5]. This implies that the input common-mode voltage
can be even lower than the output, or reference common-mode voltage. The
input transconductance G; amplifies the input voltage V;,, while a replica
transconductance G, amplifies the feedback-voltage V4, across resistor divider
R; and Ry4. The difference in their output currents drives an operational
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amplifier A;. The feedback cancels the output currents of Gy and G,. The gain
of the current-sense amplifier is:

Vaut_Vref= R3 +R4&

V. R, G,°

mn

(6-5)

The offset of the amplifier shown in figure 6-17b is the sum of the offsets
of both G| and G,. The next part of the book presents a low-offset indirect
current-feedback instrumentation amplifier for high-side current-sensing
applications. Vpp can range from 2.8 to 5.5 V, while the input common-mode
Vs can independently range from 2 to 30V by making use of current
summing at the outputs of G; and G,.

The use of separate supply voltages simplifies the task of interfacing
the current-sense amplifier with other systems, for instance an ADC.
Furthermore, the amplifier’s output can be referred to an external reference
voltage V,,s which can range from OV to Vpp-1.4 V. Chopping and
auto-zeroing are used to achieve an offset voltage of less than 5 pV over a
CM input voltage range of 28 V, which in turn achieves a CMRR of more
than 140 dB. Compared to a recently announced low-offset current-sense
amplifier [6.6], the chosen topology enables bidirectional current-sensing,
e.g. of the current through a rechargeable battery. Furthermore, trimmed
gain-setting resistors are used to achieve 0.1% gain accuracy.

6.3.2 Topology

The simplified block diagram of the amplifier is shown in figure 6-18. A
three-stage amplifier serves as the basis of this implementation. There are two
signal paths. The low frequency path consists of a chopped input
transconductor G5, which amplifies the input voltage V;,, while a chopped
feedback transconductor Gg amplifies the feedback-voltage V, across the
resistor divider Ry, and R;. This voltage is proportional to the output voltage
Vot

The difference in the output currents of G; and Gg drives an integrator
around Gg, which in turn drives a transconductance Gs. If the transconductances
of G7 and Gg are equal, the integrator’s output will change until V;, and V, are
equal, i.e. until the main amplifier’s offset is compensated for. Transconductor Gs
compensates for the offset of G3 and G4 by applying a current Is.
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Fig. 6-18 High-side current-sense amplifier based on a multi-path
indirect current-feedback instrumentation amplifier.

The high-frequency path consists of input transconductor Gz and
feedback transconductor G4. The difference in their output currents drives a
two-stage class-AB operational amplifier (G, and G;). G3 and G5 are biased
via the high-side CM input voltage Vp,,, while the other stages are biased via
the supply voltage Vpp.

Transconductors G and Gg determine the low-frequency characteristics
such as offset, low-frequency or 1//noise, DC CMRR, and DC gain error. When
their transconductances are equal, the output currents of G; and Gg will cancel
due to the feedback and so:

y

out __

R, +RyG; Ry+Ry,
V. Ry Gg Ry

m

. (6-6)

The offset and low-frequency noise is chopper modulated by chopper
CH,, while the input and feedback signals are chopper-modulated and
demodulated by choppers CH,, CH3, and CHj, respectively. This will lead to
the associated offset and low-frequency noise reduction. The transconductors
G3 and G4 determine the high-frequency characteristics such as unity gain
frequency and high-frequency CMRR.
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The modulated offset voltage of G; and Gg gives rise to ripple in the
form of a triangular wave at the output of G¢, which in turn, gives rise to a
triangular wave at the output of the whole amplifier. The input referred
peak-to-peak voltage of this triangular wave is given by:

G7,8G5

2F,,C,G

V. .
3,4

= (V2 V) (6-7)

To reduce this ripple, the combination of auto-zeroing and chopping is
used, as shown in figure 6-19, where the low-frequency path is shown in
more detail.

All switches between Vg, and Gg are implemented with NMOS
transistors. All switches between V,, and Gg are implemented with PMOS
switches in a high-voltage epi-pocket. Controlled by the clock F, the offsets
of G; and Gg are auto-zeroed by shorting their inputs, connecting Gg in a
unity-gain configuration, and then storing the resulting voltage on capacitors
Caj and Cy,. In addition, G; and Gg are chopped by clock F to modulate
both the residual offset due to finite voltage gain and the under-sampled noise
associated with auto-zeroing [6.7]. A level-shift circuit drives the high-side
chopper switches connected between the input voltage V;, and G;. The
system timing diagram is shown in figure 6-20. The base frequency of the
chopper clock is 30 kHz clock. A 5 bit pseudo-random algorithm is used to
vary this frequency between 28 kHz and 32 kHz to prevent aliasing.
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Fig. 6-19 Offset-stabilizing loop.

135



Realizations of Instrumentation Amplifiers

Fs | ] [ ]

v—

Fig. 6-20 Timing diagram.

Note that in this design there are no auto-zero capacitors connected
between G; and the input voltage, as there are in the implementation of
figure 6-3. This is because in the process used, no high-voltage capacitors
were available. This, however, means that there is a systematic gain error in
this implementation due to the parasitic capacitance at the inputs of Gg. This
is illustrated in figure 6-21.
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Fig. 6-21 Input stages with gain error due to capacitive
voltage division.
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The parasitic capacitances Cp,; and Cp,, model the parasitic capacitance
caused by line capacitances. This causes the systematic voltage division:

14 C
—L-_A (6-8)
Vﬂ) CP+CA

whqre Cp=C AlfrC A2 anq Cp.=Cp1 +Cpy. This means that the overall gain of
the instrumentation amplifier is:

V,. Ri+RypG,C,+Cy

out __

V. Ry, Gg C,

m

(6-9)

which means that in order to maintain a gain which is accurately defined by
the resistor values, G7 should be equal to Gg, and C, should be much larger
than C,.

The combination of auto-zeroing, chopping, and the multi-path
technique is powerful. Auto-zeroing reduces the offset, and therefore the
chopper ripple, while chopping modulates the folded noise associated with
auto-zeroing to higher frequencies, where they can cause little harm because
the characteristics of the amplifier are dominated by the high-frequency path.
However, since the transconductances only see the input and feedback
voltages half of the time, the signal-to-noise ratio is worsened by at least a
factor /2.

The offset V4 of the integrator also causes residual input offset [6.8].
To avoid this, the integrator is also auto-zeroed, as shown in figure 6-19.
During the auto-zeroing of G; and Gg, the integrator’s output voltage is
sampled on Cg by clock F,. This sampling operation also reduces the
triangular ripple caused by chopping [6.9][6.8]. Next, the integrating
capacitors Cg; and Cg, are disconnected from the output of G4 by clock F3,
after which Gg is configured in unity-gain and its offset V', will be stored on
capacitors Cp3 and Cpy by clock F4. To avoid momentarily shorting the
integration capacitors, F3 and F,4 are designed to be non-overlapping clocks.
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Fig. 6-22 Multi-path hybrid-nested Miller frequency
compensation in an indirect current-feedback
instrumentation amplifier.

In figure 6-22 the frequency compensation network is shown.
Capacitors Cyj, Cjp, Cyy, and C,, form a nested Miller compensation
network [6.10], which is designed to obtain a GBW of 1MHz with a load
capacitance C; of 100pF. Capacitors Cg; and Cg, are used as integration
capacitors. Capacitors C5; and Cs, are used to implement a hybrid-nested
Miller frequency compensation scheme with a smooth 20 dB/decade roll-off
[6.10]. Without capacitors Cs; and Cs, the amplifier would only be
conditionally stable.

6.3.3 Circuits

In this part of the book all the circuits are discussed that are used in this
implementation. First, the gain determining input stages will be discussed.
Secondly, the bias generator will be discussed, that generates the bias current
for these input stages. Thirdly, the integrator implementation will be
discussed. Lastly, the output stage will be discussed. In this design the W and
L values of the transistors have been omitted because of third party interest.
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Input stages

To sense the positive rail, the high-side input stages G; and G5 should be
designed with high-voltage capable NMOS input transistors. In contrast, the
ground-sensing input stages G4 and Gg should be designed with PMOS input
transistors. Since these stages use different types of transistors and are
operated at different common-mode voltages, their transconductances will be
inherently mismatched. To solve this problem, composite transistors are used,
whose transconductances are set by resistors. In this way, accurate V-to-I
converters can be realised [6.4] [6.11]. A simplified schematic of G; and Gg is
shown in figure 6-23.

The high-voltage input transconductors G and Gy are designed as
follows. The input NMOS transistors M; and M, act as voltage followers and
force the input voltage across resistors R and R,. Transistors M| and M, are
implemented with regular low-voltage NMOS devices, which are biased with
a high-voltage bulk. This can be done because a twin-well BICMOS process
is used.

The drains of M; and M, are connected to high-voltage PMOS folded
cascodes M3 and My, which drive high-voltage NMOS Ms and Mg
functioning as inverting amplifiers and as current-followers. The high gain of
this local loop ensures that the transconductance of G3 and G5 is accurately
defined by the values of R; and R,. With the biasing currents shown in
figure 6-23, the amplifier’s simulated gain variation is less than 0.15% over
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Fig. 6-23 Input transconductors G, and Gg.
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the entire common-mode range. The high-voltage devices M3 to Mg can
handle common-mode voltages as high as 30 V, which is the limit imposed by
the process used. Transistors M, to M, are biased at a current /. As a result,
the maximum input differential voltage range is 6/R, where R is the value of
R; or R,. In this design this value corresponds to 150 mV.

A similar topology is used for G4 and Gg, but with PMOS input transistors,
NMOS cascodes, and NMOS current followers [6.11]. The input PMOS
transistors M;; and M;, act as voltage followers and force the input voltage
across resistors R3 and Ry4. The drains of M;; and M, are connected to NMOS
folded cascodes M3 and M4, which drive NMOS transistors M5 and M4
functioning as inverting amplifiers and as current-followers. The high gain of this
local loop ensures that the transconductance of G4 and Gg is accurately defined by
the values of Ry and Ry.

To define the gain of the indirect current-feedback amplifier by
external resistors, the transconductance defining both resistors Ry and R, in
G7 and R3 and Ry in Gg are laser-trimmed.

The output currents of the input stages are summed together in a folded
cascode. The fully differential amplifier needs one common-mode feedback
loop. The transconductance is determined by the degeneration resistor. As
previously mentioned, the maximum input differential voltage range is 6/R.
To keep this value constant over temperature, a current should be used, that
has the same temperature characteristic as the degeneration resistors.

Bias generator

Contrary to the constant transconductance biasing used in all other
amplification stages discussed in section 5.2.2, the degenerated input stages
need to be biased with a constant current over temperature to maintain a
constant differential input voltage range. The circuit used is shown in
figure 6-24. In this circuit both a proportional to absolute temperature [PTAT]
[6.12] and a current proportional to the base emitter voltage are summed
together to generate a bandgap related constant current.
The PTAT current can be expressed as:

kT 1IlA2A3

=— -1
ptat qu A4A1 ’ (6 O)
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Fig. 6-24 BiCMOS constant current generator.

in which A, is the emitter area of the indexed transistor. The V},, current can
be expressed as:

VbeS _Vbe4_Vbel ~_Vbel_ _k__]; _I__]_ i
sk R R qR3lnIS1 , (6-11)
in which [; is the saturation current of Q. Since this parameter is highly
temperature dependent, the current [ypr has a negative temperature
dependency. Furthermore, since the V;, and AV}, voltages have opposed
temperature dependencies, an almost temperature-independent /,, can be
obtained by choosing the appropriate values for resistors R, and Rs.

Integrator

In figure 6-25 the implementation of the integrator transconductance Gy is
shown. An implementation very similar to figure 5-6 is used, the difference
being that to assure a 100 dB open loop DC voltage gain, the cascode
transistors Mg and M are added to the input transistors M3 and M,. These
cascode transistors are biased with diode connected transistor Mg. The
common-mode feedback circuit is also implemented in the same way as in
figure 5-6.
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Fig. 6-25 Two-stage class-A operational amplifier with input cascode.
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Fig. 6-26 Two-stage class-AB operational amplifier with improved
dependency of quiescent current to Vpp.

A potential disadvantage of this circuit is the switching transient
behaviour, caused by the two-stage topology. Since this amplifier is being
auto-zeroed, the output jumps from the common-mode voltage to the value
stored on the integrator capacitors. The two-stage topology has an increased
settling time with respect to the single-stage topology. For this reason the
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folded cascode implementation was developed, which was later used in the
already discussed implementations in sections 5.3 and 6.2.

Output stage

The output stages G and G, in this topology are designed in the same way as
the operational amplifier discussed in section 5.2, except that the class-AB
bias is implemented again to obtain improved behaviour with respect to the
power supply voltage. The circuit is shown in figure 6-26. It is the same
circuit as discussed in section 5.3.2; figure 5-18, except that in order to keep
the layout symmetrical, transistors M;s and M;; are added as dummy
transistors.

6.3.4 Measurement results

The current-sense amplifier was fabricated in a 0.8 pm BICMOS process with
high-voltage transistors and laser-trimmed thin-film resistors. It has a die area
of 2.5 mm?. The chip micrograph is shown in figure 6-27. The output noise
(gain = 11) spectrum density is shown in figure 6-28. At frequencies below
10 kHz the input referred noise density is 136 nV/VHz. At frequencies up to
15 kHz, a slight increase in noise can be seen which is due to both the
combination of auto-zeroing and chopping, and the use of an offset-stabilizing
topology [6.9][6.8][6.7]. After 15 kHz the noise goes down almost linearly
with frequency to a value of 70 nV/VHz.
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Fig. 6-27 Chip micrograph.

5
o
S 300f
O N L
s |
[T
N>
3 S 150Nyt
Eg 1
[SIe) |
zz
5 300+ frequency(Hz) 10k
o
gA i
N L
T
© 2150
N>
®TE T
EZ
0'6 N N Y S S Y Y N Y N N S A N
zz 0 100k
frequency(Hz)

Fig. 6-28 Output noise spectrum divided by the gain; gain = 11.
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Measurements of ten samples show that the amplifier’s offset voltage
is less than 5 nV, which together with its gain accuracy of 0.1% allows for
precise current measurements even with small sense resistors. In figure 6-29
the offset performance of two samples is shown versus the reference voltage
Vierat V4y=3.3 V, which is the common-mode voltage of the feedback input
Vi It can be seen that the amplifier saturates when V,,,=2.2 V. The CMRR
for the reference input is about 120 dB.

Vpop= 3.3
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o
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Fig. 6-29 Input referred offset voltage versus V.
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Fig. 6-30 Input referred offset as a function of input common-mode
voltage Vp,,.

145



Realizations of Instrumentation Amplifiers

In figure 6-30 the offset performance of two samples is shown versus
the input common-mode voltage Vp,,. It can be seen that the offset stays
within 2 pV over a 28 V change in Vp,,, which refers to 143 dB CMRR. It
can also be seen that the offset changes about 2 uV over a 2.2 V change in
Vpp, which refers to a 121 dB PSRR. In figure 6-31 the CMRR is presented
as a function of frequency. For frequencies below 20 kHz, the CMRR is more
than 105 dB.
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Fig. 6-31 CMRR as a function of frequency.

Not only offset is important for a current-sense amplifier, but, the gain
accuracy is also important over both the entire input common-mode and
reference common-mode range. In a current-feedback instrumentation
amplifier, the value of the input transconductance can change over input
common-mode voltage, causing gain errors.

In figure 6-32 the gain error is shown as a function of input
common-mode voltage V', at three reference voltages. Clearly, both voltages
have an influence on the gain error. However, it can be seen that there is a
+0.15% gain error caused by increasing Vp,, from 2 to 28 V. A 0.1% gain
error is caused by increasing V. .rfrom 0 to 1.9 V- when Vpp is equal to 3.3 V.
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Fig. 6-32 Gain error as a function of input common-mode
voltage Vg,

6.4 Conclusions

In this chapter two designs of chopper and auto-zero offset-stabilized indirect
current-feedback instrumentation amplifiers were presented. The first was a
5.5V instrumentation amplifier, and the second was a current-sense amplifier,
which is an instrumentation amplifier having one input fixed to a supply
voltage which can range between 1.9 and 28 V.

Firstly, a chopper and auto-zero offset stabilized indirect current-feedback
instrumentation amplifier was presented. The GBW is 630 kHz, and low-frequency
input referred noise 42 nV/AHz while consuming 325 pA from a 5.5V supply
voltage. The PSRR is 114 dB and the CMRR of both the reference and input
common mode is 130 dB. The gain accuracy is within 0.5% over a reference
voltage from 0 to 3.6 V ata 5.5 V supply voltage.

Secondly, a fully integrated indirect current-feedback instrumentation
amplifier for current-sense amplifier applications was presented with an offset
voltage of less than 5 uV. It has a common-mode input range from 2 V to
30 V and achieves a 143 dB DC CMRR. The reference has a common-mode
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range from OV to Vpp—1.4 V. This gives the current-sense amplifier the
intrinsic bidirectional behaviour of an instrumentation amplifier. By using
accurate V-to-I converters as input stages, a gain accuracy of 0.1% can be
obtained for a fixed reference voltage. The GBW is 1 MHz, and a
low-frequency input referred noise of 150 nV/VHz is obtained, while
consuming 1,050 pA supply current.

In table 6-2, this design is compared to a recently introduced
current-sense amplifier [6.6]. These two amplifiers offer a new level of
precision in current-sensing. In addition, however, the topology presented
here has the natural bidirectional current-sensing capability of an
instrumentation amplifier.

The first design has a better gain accuracy over common-mode voltage
than the second design for two reasons. Firstly, the input stage and replica
stage are identical in the first design, while in the second design they are
completely different. Secondly, in the first design the input common-mode
voltages seen by the gain setting stages are equal. Therefore, the gain
accuracy is dependent on the quality of the capacitors and switches, in

Table 6-2. Comparison of low-offset current-sense

amplifiers.
LTC6102 [6.6] This work
Year of release/ 2007 2008
publication
Offset 10 uv 5uv
Bidirectional No Yes
Gain Accuracy External resistor 0.15%
dependent
Lsupply shutdown No 1 pA
Vbp VBat 2.8t055V
VBat 4t0 60V 19t030V
Vot 0to8V 0to Vpp
Lyupply from Vg, 420 pA 200 pA
Lsupply from Vpp 850 pA
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contrast to the second design in which the high-voltage input operates at a
different input common-mode voltage.
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Conclusions and
Future Directions

7.1 Conclusions

The theory and realizations presented in this book show that the
offset-stabilization techniques, as discussed in section 3.3, can be used to
design broad-band low-offset general-purpose operational amplifiers and
instrumentation amplifiers. The chopper offset-stabilization amplifier can be
used to obtain good noise performance. However, the chopper ripple remains
a problem. This problem can be overcome by using a sample-and-hold in
order to low-pass filter the ripple [7.1] [7.2], or to use a chopper and auto-zero
offset-stabilization amplifier [7.3]. The latter technique will lead to amplifiers
with a V2 higher low-frequency noise, unless, a ping-pong technique is used
[7.4] [7.5].

7.2 Future directions

The field of dynamic offset compensation techniques does not end with this
book. A number of advancements can still be made in future research
projects. This section gives just an idea of what the future will bring and what
kinds of projects might follow the work presented in this book.
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An important remark to be made is that there should always be a
market for a product. For instance, an expensive amplifier with a less than
100 nV input-referred offset will probably not do very well, because there are
simply not many applications that really benefit from an offset of less than
I uV. Thermocouple effects on printed circuit boards would also ruin the
ultra-low offset. These same thermocouple effects increase the testing cost of
such amplifiers. Therefore, a general-purpose instrumentation amplifier with
less than 1 uV offset will probably never be available on the market.
However, if a sensor interface requires offsets of less than 100 nV, for
instance in Hall sensors for compass applications [7.6], this requirement
could be achieved by custom on-chip read-out electronics.

Recently a CMOS amplifier has been published in which trimming
was used to obtain a low offset with a 0.33 uV/°C offset drift [7.7]. In chapter
2, it was shown that dynamic offset compensated amplifiers perform very
well if the inherent offset is already low. In the future, there might be some
products in which offset trimmed amplifiers are also chopped to obtain a
sub-microvolt offset and low noise. If and when these circuits will be
developed would depend on the market. If the increased trimming cost is
believed to be more beneficial than the increased circuit complexity, which
increases both design time and time to market, it will happen.

In this book the feasibility has been proven for a low-offset indirect
current-feedback instrumentation amplifier for high-side current sensing
applications. In the future, this topology could be adopted by the industry.
Nowadays, high-voltage low-offset amplifiers are available for current
sensing applications [7.3] [7.8]. In these applications, one input is always
connected to the high-voltage supply. It might be an interesting project to
design a high-voltage rail-to-rail input stage capable of sensing up to both the
high-voltage rail as well as the ground rail. This way a current-sense amplifier
could be obtained for both low-side and high-side current-sensing
applications.

In this book two techniques has been discussed in which the chopper
ripple in chopper amplifiers or chopper offset-stabilized amplifiers is reduced.
The first technique uses a sampler which samples the chopper ripple. The
second technique uses a chopped and auto-zeroed input stage which samples
the input offset and thereby decreases the ripple. Both techniques, however,
use a sampling action. This can cause a ripple due to kT/C noise of the
sampling capacitors, noise aliasing, and signal aliasing effects. It is advisable
to investigate future techniques in which the ripple can be reduced by using
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continuous-time circuits. A continuous time ripple reduction loop has already
been described in [7.9].

The chopper offset-stabilized chopper amplifier and specifically the
iterative offset-stabilization technique discussed in section 3.4.1 have the
potential of a very low offset, since every source of offset has been
offset-stabilized. This topology, however, can still be thoroughly researched.
The ping-pong-pang instrumentation amplifier proposed in section 4.2.3
[7.10] has the potential to obtain a very good gain-error specification, which
can also still be researched more thoroughly.

A step beyond dynamic offset compensation is dynamic offset and gain
compensation. It might be advantageous to design an instrumentation
amplifier that dynamically compensates for its own offset as well as its own
gain error. It could, for instance, be possible to auto-calibrate two
transconductances by applying the same input signal to both their inputs and
auto-calibrating their output currents to be equal. Combining dynamic gain
compensation with dynamic offset compensation could be another interesting
research challenge.

7.3 References

[7.1] R. Burt, J. Zhang, “A micropower chopper-stabilized
operational amplifier using a SC notch filter with synchronous
integration inside the continuous-time signal path”, [EEE
JSSC, pp. 27292736, Dec. 2006.

[7.2] J.F. Witte, K.A.A. Makinwa, J.H. Huijsing, “A CMOS chopper
offset-stabilized opamp”, IEEE JSSC, pp. 1529-1535, July
2007.

[7.3] J.F. Witte, JH. Huijsing, KA.A. Makinwa, “A
current-feedback instrumentation amplifier with SuV offset for
Bidirectional High-Side Current-Sensing”, IEEE ISSCC, pp.
74-75, Feb. 2008.

[7.4] Texas Instruments, ‘0.05uV/C max, single-supply CMOS op
amps zero-drift”, Datasheet, Rev. D, OPA335, June 12, 2003.

[7.5] Thomas Kugelstadt, “Auto-zero amplifiers ease the design of
high-precision  circuits”,  Texas  Instruments, 2005,
focus.ti.com/lit/an/slyt204/slyt204.pdf.

153



Conclusions and Future Directions

[7.6]

[7.7]

[7.8]

[7.9]

J.C. van der Meer, F.R. Riedijk, E. van Kampen, K.A.A.
Makinwa, J.H. Huijsing, “A fully integrated CMOS Hall
sensor with a 3.65uT 3c offset for compass applications”,
IEEE ISSCC, pp. 246247, Feb. 2005.

M. Bolatkale, M.A.P. Pertijs, W.J. Kindt, J.H. Huijsing,
K.A.A. Makinwa, “A biCMOS operational amplifier
achieving 0.33uV/°C offset drift using room-temperature
trimming”, IEEE ISSCC, pp. 76—77, Feb. 2008.

Linear Technology Corp., “LTC6102 data sheet”,
www.linear.com, July 2007.

R. Wu, K.A.A. Makinwa, J.H. Huijsing, “A chopper
current-feedback instrumentation amplifier with a 1 mHz 1/f
noise corner and an AC-coupled ripple-reduction loop”, IEEE
ISSCC, pp. 322-323, Feb. 2009.

[7.10] J.H. Huijsing, ‘“Instrumentation amplifiers developments”,

AACD workshop, Pavia, Apr. 9, 2008.

154



Layout Issues

A.1 Introduction

A book describing dynamic offset compensated amplifiers, without
information about layout issues would be unfinished. Analog engineers
sometimes overlook critical layout issues, therefore, redesigns can become
necessary in practical implementations of auto-zero and chopper amplifiers. It
is always advisable to do a parasitic extraction in dynamic offset compensated
systems.

Contrary to normal amplifiers, dynamic offset compensated
amplifiers require on-chip oscillators and digital circuits to generate clocks,
which drive the dynamic offset compensation circuits. The clock generation,
clock distribution, and switching can severely cripple the offset performance
of these amplifiers.

In order to improve common-mode behaviour it is also beneficial to
short the backgate of input switches to the sources, as shown in figure A-1.
Because the backgate source voltage changes with the input common-mode in
figure A-1la, the threshold voltage is effected. This means that the channel
charge injection is modulated by the common-mode input voltage, which
translates into a CMRR limit. The implementation shown in figure A-1b also
has an extended common-mode range.
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Fig. A-1 Two possible implementations of NMOS choppers (a) with
backgates connected to ground, (b) with backgates connected
to the sources.

In section A.2 methodologies are shown to minimize chopper
parasitic capacitance mismatches, and section A.3 deals with shielding
techniques for clock lines and ground lines. This chapter ends with
conclusions in section A.4.

Clock feedthrough

In section 2.3.3 it was illustrated that the mismatch of clock feedthrough
capacitances in a differential chopper amplifier can cause a residual offset
voltage [A.2]. In section 2.3.3 it was also shown that the residual offset can be
expressed by:

Vos,resl = 2(R1+R2)(C1_C2) VFFC7 (A'l)
R, CH; { CH,
[, N p— JR— Y o
Vin X[ T Va | 6>V [X]Vour| LPF [Vig
Ry o, T ok ]

Fig. A-2 Charge injection model in a chopper amplifier.
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where (R;+R;) is the input impedance including ON-resistances of the
chopper switches, (C;—C,) is the mismatch of clock feed through
capacitances, V is the driving voltage, and F is the chopper frequency. For
example a 20 kHz chopper frequency, ON-resistance of 5k, no source
impedance, and a 5V driving voltage would lead to a residual offset per unit
of capacitance mismatch between C; and C, of 2 uV/fF.

Also the capacitors C3 and C4 depicted in figure A-2 can cause
residual offset. This leads to a residual offset which can be expressed by:

os,res2 = %Crf}ﬂ 5 (A-2)

1
where G is the transconductance of the chopped amplifier. It can be seen that
higher transconductance amplifiers are less vulnerable to the mismatch of C;
and C4. For example for a 20 kHz chopper frequency, a 100 nA/V
transconductance, and a 5 V driving voltage would also lead to a residual
offset per unit of capacitance of 2 uV/{F.

It can be concluded that the mismatch of C; and C, as well as the
mismatch of C5 and C,4 are both of importance and effort must be made to
minimize those mismatches. Therefore, the next section focuses on the layout
of choppers.

A.2 Chopper layout

Two layouts of choppers have been developed during the design of the
amplifiers discussed in chapters 5 and 6. The analysis in the previous section
showed that charge injection mismatch from the input chopper to the input of
the amplifier that is chopped and from the output chopper to the output of the
amplifier that is chopped is what mainly causes the residual offset.

This charge injection can be reduced by reducing the absolute
capacitive crosstalk from clock lines towards the one side of the chopper. In
the layout shown in figure A-3 the poly clock lines only run parallel to the
input lines, and do not run parallel to the output lines. Except for the parasitic
capacitance mismatch due to metal differences, there can also be a mismatch
in the gate-source and gate-drain capacitance due to transistor mismatch. To
minimize transistor mismatch the use of dummy transistors is widely
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Fig. A-3 Chopper layout with dummy switches to balance the
parasitic capacitances and improve the mismatch of
the chopper switches.

accepted [A.1]. The chopper layout shown in figure A-3 contains two dummy
transistors: Mp; and Mp,. These dummy transistors give transistors M;-My
topologically and electrically the same surroundings. The gate line driving the
dummy switch Mpy, is necessary to make the crosstalk from F_ to in,, equal to

inn

inp

gnd

gnd

outn

outp
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the crosstalk of F; to in, by making the capacitances C;+Cxo equal to
Ca3+Cay. The gate line driving Mpy is not really necessary, although it does
help making the parasitic crosstalk from F, to in, and in, and from F, to in,
and in, equal to each other, which helps in reducing common-mode spikes.
To further reduce capacitive clock feedthrough, a grounded metal 1 plate is
used to shield the metal 2 clock lines from the signal lines.

In conclusion, the layout depicted in figure A-3 has matched switch
transistors, minimised capacitive crosstalk towards the output, and balanced
crosstalk from each clockline to the differential inputs and outputs. A
disadvantage of this layout is that it needs a large area. By using minimum
size switches, the matching will never be very good and so the use of dummy
transistors may be regarded as being superfluous.

Another more compact layout was developed without the use of
dummy transistors. This layout was made as symmetrically as possible to
balance the parasitic capacitances. This layout is shown in figure A-4. In
comparison to the previous layout, the switches are closer to each other,
which improves transistor mismatch.

4 out,

™
inp Vm

4 out,

L.

via con act m2 m1 pol
[m] L]

Fig. A-4 Compact chopper layout with balanced and shielded clock
feedthrough capacitances.
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The absolute parasitic capacitance is reduced with respect to the
previous layout because, firstly, the signal lines and clock lines are always
perpendicular to each other, whereas in figure A-3 they also run parallel to
each other. Secondly, it is possible to shield the metal 2 signal lines from the
poly clock lines with a grounded metal 1 shield.

During the research described in this book the two layouts were both
used, but they were never used in the same amplifier. Therefore, it could not
be verified experimentally which layout would benefit residual offset the
most. The layout shown in figure A-3 has been used in the operational
amplifier design described in section 5.2, all other implementations use the
layout depicted in figure A-4.

A.3 Clock shielding

In the previous section, layouts of choppers were discussed. The clock signals
have to be routed from the clock generation circuit to the switches of the
dynamic offset compensation. This could lead to unforeseen -clock
feedthrough and substrate feedthrough.

To minimize the clock feedthrough, an on-chip coax cable was used
in all designs. A cross section of this layout is shown in figure A-5. A
grounded shield can be made, which confines the clock signals. In a
two-metal process the substrate (or P-well) itself can be grounded, which then
serves as a bottom plate.

This reduces the clock feedthrough from the clock lines to the analog
signals of the amplifier. A disadvantage, however, is that the capacitance of

M| gnd [

LS R O 7 D T O B gnd [

M gnd [ Tend] [ T R [ond]
I

grounded P-substrate/P-Well

Fig. A-5 Cross sections of on-chip coax clock lines in (a) a 3-metal
process and (b) a 2-metal process.
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Fig. A-6  Chip micrograph of the operational amplifier discussed in
chapter 5.3 with the oscillator, on-chip coax, and chopper and
auto-zero switches, SW, indicated.

the clock lines to ground increases and relatively strong digital buffers are
needed to boost the clock signals.

Another disadvantage is that by using all metal layers available in a
process, there are no remaining metal layers to route signals from one side of
the shield to the other side of the shield. However, when the layout of a
dynamic offset compensated amplifier is planned carefully, crossings are not
necessary. When a crossing is unavoidable, the crossing should be created in
such a way that the parasitic capacitive feedthrough is balanced. It is also
important that the clock generation circuits do not interfere too much with the
amplifier. The separation of an analog and digital ground can be advised.

An example of a chip is shown in figure A-6. In this layout the
oscillator and digital circuit that generate the clock signals are placed in the
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bottom. The on-chip coax is used both to shield the clock generation circuits
from the amplifier and to shield the clock signals that are confined by the
on-chip coax. In this chip the chopper and auto-zero switches are designed
similarly to the chopper shown in figure A-4.

In these layouts the ground was separated in four grounds: an analog
ground to bias the amplifier, a digital ground to bias the clock generation
circuit, a shield ground to bias the on-chip coax, and a separate ground to bias
the output stage of the amplifier.

A.4 Conclusion

In this appendix a brief overview was given to address critical layout issues.
Two layouts of chopper amplifiers were discussed both of which balance
parasitic capacitive clock feedthrough. It was also shown that the use of an
on-chip coax makes the shielding of clock lines possible. As an example, a
strategy for the layout of one amplifier was discussed. In conclusion, it is very
important to carefully plan the layout of a dynamic compensated amplifier,
and to be very aware of the problems of unbalanced clock feedthrough
capacitors in dynamically offset compensated systems.
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