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Preface

This book represents a contribution to the design of sigma-delta (��) modulators
intended for the A/D conversion in multi-standard multi-mode wireless transceivers,
implemented in nanometer CMOS technologies. In these transceivers, ADCs are key
parts because they need to operate with a wide spread of their specifications; namely,
effective resolution and signal bandwidth. �� modulators are very suited for the
implementation of reconfigurable ADCs in highly integrated transceivers. On the
one hand, the key principles of �� modulators (oversampling and noise shaping)
determine the dynamic range of theADC, so that their adjustment contributes to adapt
the converter performance to different specifications with large hardware reuse. On
the other, both principles make them robust with respect to non-idealities of an
integrated implementation.

In spite of the advantages mentioned above, the design of nanometer CMOS
�� ADCs is not easy, specially when considering adaptability and reconfigurability
features. It involves a number of practical issues and trade-offs at both architectural
and circuit level that must be taken into account for optimizing performance in
terms of power dissipation (device portability and autonomy), silicon area (cost) and
time-to-market deployment.

In this context, the work in this book presents innovative solutions for the imple-
mentation of flexible �� modulators intended for the next generation of wireless
hand-held mobile terminals, implemented as a SoC in nanometer CMOS processes.
Novel adaptive and reconfigurable �� modulator topologies—based on the com-
bination of resonation, unity signal transfer function, and a new type of cascade
with extra inter-stage feedback loops and simplified digital cancellation logic—are
presented. These strategies allow to reduce the requirements of the embedded am-
plifiers in terms of finite DC gain, non-linearity and output swing. This makes them
very suited for the implementation of low-voltage low-power wideband ADCs. At
the circuit level, different strategies are applied to adapt the performance of the ��

modulators to the different sets of specifications with adaptable power consumption.
A number of architectures, circuit techniques and design procedures presented

in this book are demonstrated through the design, implementation and experimental
characterization of three IC prototypes. The first one—implemented in a 130-nm
CMOS technology—consists of an expandable cascade topology that comprises
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a 2nd-order front-end stage followed by 1st-order stages, with the last one be-
ing switchable and also incorporating multi-bit quantization. The chip reconfigures
the modulator loop filter order, the sampling frequency and the number of bits of
the internal (back-end) quantizer, and scales the power consumption of internal
building blocks in order to adapt the performance to the specifications of 2G/3G
standards, considering a direct conversion receiver. Measurement results show a cor-
rect operation for GSM/Bluetooth/WCDMA standards, featuring a dynamic range of
86.7/81.0/63.3 dB for signal bandwidths of 200 kHz/1 MHz/4 MHz, respectively. The
power consumption is 25.2/25.0/44.5 mW, of which 11.0/10.5/24.8 mW corresponds
to the analog part of the circuit.

The second chip—implemented in a 90-nm CMOS process—consists of a two-
stage (2–2) topology with 3-level quantization and unity signal transfer function in
both stages. The chip reconfigures its loop filter, clock frequency and scales power
according to the required specifications for different standards included in B3G
wireless telecom, covering: GSM, Bluetooth, GPS, UMTS, DVB-H and WiMAX.
Measurement results feature a dynamic range of 78/70/71.5/66/62/52 dB within
bandwidths of 100 kHz/500 kHz/1 MHz/2 MHz/4 MHz/10 MHz, while consuming
4.6/5.35/6.2/8/8/11 mW, respectively.

The third chip is a 2-2-2 cascade made up of unity-STF stages. Similarly to the
second chip, a 1.2-V 90-nm CMOS technology is employed. The chip can reconfig-
ure its loop filtering order from 6 to 4 or 2 by switching off one or two stages in the
cascade, respectively. The quantization in each stage can be selected to 3 or 5 levels.
Every stage can work concurrently or as part of a cascade, so this �� modulator
can process up to three standards in parallel. The employed architecture incorporates
programmable resonation in the last two stages. The bias currents of main modulator
building blocks are adjustable on-chip. Also, the sampling frequency can be adapted
to the requirements of each operation mode. Experimental characterization of this
chip indicates a correct operation for most of the reconfiguration techniques imple-
mented; namely, adaptation of the in-loop filtering order, programmability of the
bias currents in the modulator building blocks, variation of the internal quantization
and concurrency.

The work in this book demonstrates the feasibility of using �� modulators for
the efficient implementation of multi-standard telecom systems and shows the way
for the practical deployment of the software defined radio paradigm.

Sevilla Alonso Morgado
March 2011 Rocío del Río

José M. de la Rosa
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Chapter 1
Introduction

SINCE THE INFORMATION TECHNOLOGY (IT) AGE BEGAN AROUND
25 YEARS AGO with the commercialization of first personal computers, a number
of digital electronic devices (audio/video players, cameras, cell phones, etc) have
transformed the lifestyle of billions of people all over the world. The majority of
these devices—empowered by microelectronic technology innovations—have been
gradually connected to the Internet, thus giving rise to what has been called the first
wave of the digital revolution. In the first decade of twenty-first century, Internet-
based devices have experienced an explosive growth with the continuous increase of
both wired and wireless broadband access services, thus enabling the proliferation
of interactive social-networking activities, more and more multimedia contents, as
well as new personalized on-line experiences on a single mobile hand-held terminal.
All this has lead to the run up of the age of the second wave of the digital revolution
[Lim08].

This trend is driven by increasingly sophisticated user demands, prompting mobile
terminals towards ubiquitous connectivity, with more and more capabilities, reduced
cost and increased battery duration. Moreover, it is expected that new generations
of wireless communication technologies will go beyond a simple linear extension
of the capabilities of previous ones, not only improving their performance but also
enabling the convergence with older standards. The goal is to provide an optimum
delivery via the most appropriate network available, allowing smoothly transitions
between different networks [Evan00, Hui03, Tach03, Deso06, Frat06, Stee07]. The
next generations of wireless handsets must therefore be able to communicate on
many radio systems, with different carrier frequencies, bandwidths, multiple access
techniques, duplex methods, number of user channels, modulation schemes, data
rates, etc [Rosa09].

Although the most advanced smart phones already support a large number of
standards and applications, the current addition mechanism of new operating modes
and services do not scale. Indeed, each new standard usually requires a dedicated
radio frequency (RF) and baseband chipset, which is assembled using ultra-dense
packaging techniques, so that the physical volume of every new mobile generation
either remains constant or even shrinks. Thus, today’s cellphones are marvels of
miniaturization but fundamentally, they are still just plain old radios [Rube07]. Even

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 1
DOI 10.1007/978-1-4614-0037-0_1, © Springer Science+Business Media, LLC 2011
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though this trend turns into a significant increase in component count and bill of
materials (BoM), the final product price can be kept or even reduced, partially thanks
to the huge number of terminals sold [Abid07, Gian09]. Indeed, the rate at which
new functionalities are introduced in a mobile terminal will soon exceed the rate of
miniaturization in packaging. Therefore, addressing this challenge implies redefining
the concept of wireless hand-held terminals, evolving from a pure hardware-based
to a combination of hardware- and software-based radio [Abid07, Rube07, Gian09,
Kits09, Ru09]. As first envisaged by Mitola [Mito95], an ideal software-defined-
radio (SDR) should be a universal radio platform which can be programmed to steer
any band, tune a channel of any bandwidth, and receive any modulation, all with
reasonable constraints, while ensuring the required quality of service as well as
guaranteeing privacy and security [Abid07].

In addition to allowing mobile terminals to easily accommodate emerging stan-
dards via either software or firmware upgrade [Ru09], the implementation of the SDR
concept will enable the so-called cognitive radio (CR) paradigm [Mito95, Cabr06,
Rube07]. Essentially, CR-based technology enables wireless networks and hand-held
terminals to use the RF spectrum in a dynamic manner—instead of a fixed manner as
it is used today. As a result, a more efficient use of the licensed/unlicensed spectrum
is achieved, with reduced interferences and/or at a lower power consumption. In-
deed, in the near future, SDR-based mobile terminals implementing CR technology
will be capable of dynamically sensing their spectral environment and of exploit-
ing the captured information to change their transmission/reception parameters in
order to improve the communication link and to reduce the energy consumed on
the fly [Rube07]. CR mobile phones must therefore be smart enough to incorpo-
rate cognitive (spectrum sensing) capabilities and flexible enough to be dynamically
programmed according to the information obtained from their interaction with the
environment [Cabr06]. This approach is completely different from the fixed spec-
trum assignment policy followed by today’s mobile telecom systems, in which a large
portion (around 85%) of the assigned radio spectrum is used sporadically while the
remaining bands are truly busy at any given time. It is important to mention here
that reducing power dissipation will also make the use of alternative energy sources
possible, thus making solar-cell powered cellphones a reality [Rube07]. By means
of embedding additional sensorial capabilities, mobile terminals could also act as
healthcare devices, making emergency calls in case they detect problems in the vital
signs of the user (patient). Moreover, mobile terminals including cognitive abilities
can be used in domotic applications, allowing users to remotely control their home
appliances, etc.

However, the current situation in most commercial smart cellphones is far from the
universal radio platform defined by the CR/SDR paradigm, where the digitization
is close to the antenna and most of the processing is performed by a high-speed
general-purpose digital signal processor (DSP). As an illustration, Fig. 1.1 shows the
block diagram of an ideal SDR transceiver—as it was originally conceived by Mitola
[Mito95]—in which the RF signal coming in from the antenna is directly digitized by
an analog-to-digital converter (ADC). Hence, many functions like frequency tuning
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Fig. 1.1 Ideal
software-defined radio
transceiver as conceived by
Mitola. [Mito95]
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and translation, filtering, channel selection and demodulation can be implemented
by running software on the DSP. A similar reasoning holds in the transmitter side,
where a power amplifier (PA) could be combined with a digital-to-analog converter
(DAC). Unfortunately, the transceiver in Fig. 1.1 is unrealizable as of today—being
even an object of derision by the RF circuit community [Bagh06a, Isma07]—because
the required specifications for both the ADC and the DAC are prohibitively stringent.
For instance, the receiver would require realizing the A/D conversion of a signal in
a frequency band from 800 MHz to more than 10 GHz with an accuracy in excess
of 16 bit [Bagh06a]. Hence, a more realistic digital radio transceiver would contain
an analog-signal-processing (ASP) section including signal conditioning (frequency
translation, amplification and filtering) as illustrated in Fig. 1.2. Although the first
steps towards the construction of an SDR are being taken and it will possibly represent
the future of universal radio transceivers, the most common situation today consists
in a scheme similar to that in Fig. 1.2, where the ASP can be implemented in several
ways resulting in different schemes and approaches in the path to SDRs [Abid07,
Gian09, Ru09].

The road to future SDR hand-held terminals will require system-on-chip (SoC)
transceiver solutions, implemented using mainstream nanometer CMOS processes as
the base technologies and embedding digitally-assisted flexible RF and analog front-
ends [Ru09]. In this context, the flexibility concept involves the ability for adapting
performance metrics and even for dynamically reconfiguring system/circuit topology
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Fig. 1.2 Realistic software-defined radio transceiver
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depending on the required transmit/receive parameters [Crom09]. Such universal
SoC transceivers are well beyond the state-of-the-art performance. Indeed, most of
the reported CMOS multi-mode solutions focus on the selection of a few (two or
three) standards or operating modes having similar requirements [Ahol04, Jung04,
Dara05, Maed06, Muha06, Behz07, Lin09, Tenb08, Vass08], whereas very little
has been really done targeting a really programmable/adaptable analog/RF front-end
[Gian09].

In this scenario, this chapter provides an overview of wireless communica-
tion systems, their trends and challenges for the implementation of SDR-based
transceivers implemented in nanometer CMOS technologies. The chapter is orga-
nized as follows. Section 1.1 reviews the different standards and applications that
are expected to be covered by the next generation (4G) wireless networks. Sec-
tion 1.2 discusses different issues related to the design of multi-standard transceiver
architectures, their state-of-the-art topologies and the innovations required towards
real SDR-based solutions. Section 1.3 moves further down to the circuit level and
discusses different design issues of reconfigurable and adaptive building blocks
required for the implementation of analog baseband in multi-standard wireless re-
ceivers. Especial emphasis is put on the analog-to-digital converter—objective of this
book. Finally, Sect. 1.4 gives a survey of the state-of-the-art performance on recon-
figurable ADCs.

1.1 Overview of Wireless Standards and Mobile Systems

Although mobile communication is yet a relatively young technology in comparison
to other scientific and engineering achievements, its evolution has no precedents.
Today, mobile phones are the most used electronics devices in developed countries
and the number of mobile subscribers worldwide has grown over 100-fold in the last
ten years [Neuv04]. Such is the pervasiveness of mobile communication that it has
become a significant contributor to gross national product in the majority of western
countries [Evan00], and it is indeed expected to experience the highest growth in the
information and communication sector, making ubiquitous communications a reality
[Tach03].

Only a few years ago, mobile phones were electronic systems with a single func-
tionality: voice transmission. These systems, based on analog modulation schemes
such as AMPS, were called first-generation (1G) cellular or mobile phones. The
second generation (2G), based on digital modulation and mainly using the GSM
standard, increased their functionality in comparison to 1G enabling the trans-
mission of short message services (SMS), with data rates in the order of tens of
kilobits/second (kb/s). In the last few years, with the development of the third gener-
ation (3G) of cellular telecommunications, mobile phones have become multimedia
electronic devices, combining different functionalities, among others: digital video
camera, multimedia players, short-range connectivity (of up to 1 Mb/s using Blue-
tooth) to other electronic devices and broadband connectivity to the Internet with
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Fig. 1.3 Evolution of wireless applications towards 4G. [Crom09]

data rates of up to 2 Mb/s using the UMTS/WCDMA standard. This trend is fore-
seen to continue and it is expected that in the next few years the fourth-generation
(4G) systems, also named always-best-connected or beyond-3G (B3G) systems,
will significantly increase the data rates, exceeding 100 Mb/s point-to-point down-
load transmission speed while mobile and 1 Gb/s when walking and/or stationary.
Moreover, as illustrated in Fig. 1.3, 4G systems will foster the convergence of cellu-
lar (non-IP-based) wireless networks—like GSM and UMTS (or WCDMA)—with
IP-based wireless networks—like WLAN (IEEE 802.11 standard)—providing an
optimum data delivery via the most appropriate network available, in a concurrent
and always-best-connected mode, and allowing smooth transitions between different
networks [Hui03, Gazi05, Deso06, Frat06].

For comparison purposes, Table 1.1 sums up the different generations of wireless
telecom by showing a brief description of the services provided by each one, as
well as the main characteristics of the standards covered [Li02]. In addition to these
standards, other applications like global positioning system (GPS), digital video
broadcasting (DVB) and wireless networks covering metropolitan areas (WMAN
or WiMAX, based on the IEEE 802.16 standard) and personal areas (WPAN, IEEE
802.15), are expected to be covered by 4G systems. The result is a ubiquitous mobile
access to a pool of contents including a huge number of services and applications
[Stee07].

1.1.1 Towards 4G Mobile Terminals

As illustrated in Table 1.1, 4G circuits must operate over a variety of standard spec-
ifications, including different frequency bands, multiple access techniques, duplex
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methods, number of channels, modulation schemes, data rates, etc. For instance,
only considering the GSM standard, there are different operating frequencies, from
890 MHz to 1.9 GHz, depending on the version that is considered; i.e., GSM, EDGE
or PCS1900. A similar situation is found in WLAN, where depending on the standard
considered (IEEE 802.11 a/b/g/n) the frequency band changes from 2.4 to 5.0 GHz.

The channel bandwidth (BW), which spans from hundreds of kHz to tens or even
hundreds of MHz, is directly related to the data rate, as the well-known Shannon’s
theorem predicts through the expression of the information carrying capacity of a
channel as

C = BW · log2(1 + SNR) (1.1)

where C is the capacity the capacity in bits per second (b/s), and SNR stands for the
signal-to-noise ratio. Therefore, the larger the SNR, the greater the channel capacity
will result. Thus, considering a fixed value for BW, Shannon’s theorem imposes
a requirement for the circuits targeting a set of standard specifications about how
strong the information signal must be in comparison to the system noise and also
to interference signals in order to achieve the required data rate. In the case of 4G
systems, data rates vary from hundreds of kb/s (for instance 270 kb/s in GSM)
to hundreds of Mb/s (over 100 Mb/s in WLAN IEEE 802.11n or WiMAX IEEE
802.16d/e).

Channel capacity—C in (1.1)—represents an ideal upper limit on the informa-
tion carrying capacity of a channel, which has not been reached by practical radios
yet, although new modulation and data transmission schemes are enabling a more
and more efficient use of bandwidth. Particularly, there are two key technologies
that constitute the bases for increasingly data rates of cellular communications and
wireless networks. One advance is the orthogonal frequency division multiplexing
(OFDM) modulation technique, whereas the other consists of using a multiple-
input multiple-output (MIMO) transmission scheme [Stee07]. Indeed, as shown in
Table 1.1, these techniques are extensively used by high-speed wireless local area net-
works (WLAN) and metropolitan (WiMAX) communication standards included in
4G [Boyd06].

The increasing number of standards and applications to be included in 4G systems
requires addressing the design of the circuits and systems involved from a different
perspective. An evolution from a hardware-based to a software-based concept of
wireless systems is needed in order to ensure the required quality of service, recon-
figurability, adaptability, as well as privacy and security [Evan00]. Adaptability must
be understood in this context so that the system should be aware about the battery
level, the power level of the incoming signal or the presence of near interferers in the
communication channel, in order to switch between operation modes and/or dynam-
ically adapt to the operating conditions. This will be a major challenge due to the
varying bit rates, channel characteristics, bandwidth allocation, and hand-over sup-
port among heterogeneous wireless networks. Reconfigurability must be conceived
at different levels of the 4G network hierarchy, from protocol stacks to base stations
and terminals [Vars01].
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Table 1.2 Input-referred receiver requirements for different wireless standards

Specification/Standard GSM Bluetooth UMTS WLAN

Sensitivity (dBm) −102 −70 −117 −65
Maximum signal (dBm) −15 −20 −25 −30
Interferer level (dBm) −49 −39 −46 −45
Maximum out-band blocker (dBm) 0 −10 −15 0
Maximum in-band blocker (dBm) −23 – −44 −30

1.1.2 Circuits and Systems for 4G: Challenges and Innovations

The most efficient implementation of 4G wireless systems implies the use of the
so-called multi-standard transceivers, as will be detailed in next section. These multi-
standard transceivers must fulfill the performance requirements of each standard
separately and in some cases, concurrently [Li02]. For instance, wireless hand-
held terminals may use simultaneously Bluetooth and GSM standards in a voice
transmission using Bluetooth headphones. At the same time, the mobile terminal
can be used to check the e-mail via WLAN/UMTS data network.

The huge number of standard specifications translate into many circuit-level spec-
ifications. Unfortunately, documents on the wireless corresponding standard do not
give explicit recommendations for the physical realization of transceivers. Instead, a
black-box approach is assumed and a set of evaluation tests are outlined to validate the
receiver performance in terms of three basic aspects: sensitivity, selectivity and lin-
earity1. As an illustration, Table 1.2 sums up the input-referred receiver requirements
from these tests for some 4G standards.

Receiver requirements are mapped onto building-block (circuit) specifications
(gain, dynamic range, linearity and noise figure) in an iterative synthesis process,
generally referred to as receiver planning [Crol97], which will be briefly described in
Chap. 4. This process is usually accompanied by a level diagram that shows how the
different signals (wanted signals and interferes) evolve along the receiver chain. As an
illustration, Table 1.3 shows the specifications2 for an analog-to-digital converter—
main objective of this work—to satisfy the requirements of some wireless standards
shown in Table 1.1. It is assumed that the receiver is implemented using a direct
conversion architecture3.

1 The performance of a radio receiver is mainly characterized by two figures: sensitivity and selec-
tivity. The former measures the ability to detect signals in the absence of any interference other than
noise, while the latter characterizes the capacity of the receiver to discriminate between the desired
signal and large adjacent-channel interferers. A detailed description of these and other receiver
metrics—beyond the scope of this book—can be found in [Raza98, Lee04].
2 The performance of an ADC can be quantified in terms of two main specifications: effective
resolution (measured in bits) and bandwidth of the digitized signal. These terms will explained in
detail in Chap. 2.
3 This is the most common situation in practice, as will be detailed in Sect. 1.2.
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Table 1.3 ADC specifications for different wireless standards

Specification/Standard GSM Bluetooth GPS UMTS DVB-H WiMAX

Effective resolution (bits) 12–13 11–12 10–11 9–10 8–9 8–9
Signal bandwidtha (MHz) 0.1 0.5 1 2 4 10

aA direct conversion or zero-IF receiver would require two ADCs with the enclosed conversion
bandwidths, whereas a low-IF receiver would require two ADCs with twice that bandwidths

In order to satisfy the above-mentioned system-level requirements, flexible4 ana-
log, mixed-signal and RF CMOS circuits and systems are needed. Moreover, the
implementation of the SDR paradigm demands for innovative scalable/reusable and
programmable solutions at different abstraction levels in the transceiver hierarchy, as
well as for keeping the required performance with reduced cost and time-to-market
deployment. All these issues translate into a number of significant challenges that
can be summarized in the following key points:

• Incorporation of flexibility capabilities: As stated above, new wireless standards
are complementing (rather than replacing) existing ones. Therefore, as stated
above, in order to operate over a variety of different specifications, multi-standard
transceivers based on reconfigurable/adaptive building blocks are required. More-
over, SDR-based transceivers are expected to be tuned at run-time to a variable
set of receive/transmit parameters [Gian09]. An alternative solution could be
using wideband transceivers, although these topologies do not properly filter
undesired RF incoming signals and are thus prone to interferences [Sand08].
This limitation is particularly critical for SDR-based transceivers aimed at cov-
ering arbitrary frequency bands, where the definition of in-band and out-of-band
interferences—and their corresponding RF band-selection filters—may be fuzzy
[Sand08, Ru09]. Indeed, the analog front-end in SDR-based transceivers must
provide a flexibility comparable to that of the digital back-end, by simplifying
the analog pre-processing prior to the ADC as much as possible (see Fig. 1.2)
[Bagh06a].

• Integration in nanometer CMOS technologies: The integration of more and
more parts of telecom systems using nanometer CMOS processes reduces the
fabrication cost in comparison to multi-chip platform solutions based on differ-
ent technologies. Increased integration levels and reduction of fabrication costs
pushes the use of standard CMOS technologies whenever possible. However,
the benefits of technology scaling for the embedded DSP turns into a number of
performance limitations for analog circuit design. In addition to the reduced sup-
ply voltage, the degradation of transistor transconductance and output resistance
worsens its intrinsic gain. Moreover, threshold voltage variations increase with
shrinking technologies [Malo09]. Thus, in the case of 4G circuits, analog circuits
must be flexible, but must be also designed to compensate for process variations,
with reduced supply voltage (for instance, 1 V in typical 90- and 65-nm CMOS

4 The term flexibility used in this work is defined as the ability of circuits and systems to reconfigure
their topology and to adapt their performance to different specifications.
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processes) and consequently dynamic range [Kits09]. Last but not least, the re-
quired precision (and resolution) of RF/analog circuits could be severally reduced
as a consequence of thermal noise increase with technology scaling, as well as the
bad accuracy and linearity of passive elements—particularly problematic when
using minimum sizes. All these issues demand for innovative circuit techniques in
order to benefit from technology scaling, turning the mentioned limitations into
benefits.

• Need of proper CAD tools and design methodologies: For a multi-standard
hand-held device to be efficient, it should be less expensive than the simple
compound of all separate RF chips (normally one per standard) while keeping
good performance, lower power dissipation (better portability) and less silicon
area (less cost and price) [Giel05]. In order to achieve these objectives, a proper
system planning and partitioning should be adopted, supported by proper CAD
tools and design methodologies to optimize the system design and to shorten
the time-to-marked. In addition, a systematic exploration of different alternative
implementations, in terms of architecture selection, reconfiguration strategies
and circuit-level implementation is needed in order to optimize the design of
multi-standard wireless telecom transceivers [Crol97, Li02].

This book addresses some of the aforementioned challenges, focusing on the sys-
tematic design of reconfigurable ADCs for the next generation of SDR-based
transceivers. In this context, the rest of this introductory chapter makes a survey
of trends and challenges in the cutting-edge performance of the circuits and systems
required for the implementation of multi-standard hand-held terminals, putting em-
phasis on wireless transceiver architectures and required ADCs—main objective of
this work.

1.2 Multi-Standard Wireless Transceivers

As discussed above, the wireless communications universe covered by 4G systems
calls for the need of developing digital transceiver chips, capable of operating at
different modes with multi-standard support features [Li02]. However, as previously
stated, the situation today in most commercial mobile terminals is far from this uni-
versal radio platform. Indeed, although the number of RF components in mobile
handsets has been reduced over the years, each new operation mode and/or applica-
tion requires its own radio/baseband chipset, which is normally incorporated in the
newer generation of the phone by using advanced packaging technologies so that
the physical size of the final product is reduced [Bagh06a, Abid07, Isma07]. Nev-
ertheless, the rate at which new applications are introduced together with the need
of power/cost-efficient architectures are placing SDRs into the picture. However, we
are still far from real and practical SDR-based transceivers as the ones conceptually
depicted in Fig. 1.1 and Fig. 1.2.

The majority of reported multi-standard and/or multi-mode transceivers use a sin-
gle down/up conversion scheme as conceptually depicted in Fig. 1.4 [Li02, Bran05,
Mak07]. This architecture eliminates the need for both intermediate frequency (IF)
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Fig. 1.4 Conventional multi-standard RF transceiver architecture

and image-reject (IR) filtering and requires only a single oscillator and mixer, what
makes it very suited for multi-standard applications because it increases the level of
integration and facilitates hardware sharing. Moreover, the most common situation is
that, in order to cope with the requirements of different standards, separate (switch-
able) RF front-end paths (normally one per standard) are used, whereas a single,
digitally-programmed baseband section (from the mixer to the ADC) is shared by all
standards [Bran05].

However, as previously stated, the trend is towards a maximum hardware reuse, by
designing as many reconfigurable and adaptive transceiver building blocks as possible
[Mak07]. Ideally, an optimized multi-standard transceiver should conceptually look
as in Fig. 1.5. This kind of transceivers exploits the benefits of embedding digitally-
assisted reconfigurability into the analog/RF front-end building blocks, thus allowing
to be adapted to a number of specifications [Bagh06a, Gian09, Ru09]. However,
they are relatively complex because of the large number of analog components (and
their associated tuning circuitry) which are still needed, what makes these schemes
sensitive to the effect of technology parasitics and process variations, as well as
more difficult to upgrade by software—one of the benefits of implementing the SDR
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Fig. 1.5 Ideal multi-standard RF transceiver

Rx Filter 1

BaseBand
Amplifier

PGA ADC

DSP
LO

BaseBand
Amplifier 

PGA ADC

Rx Filter 2

Rx Filter N 

I

Q

Fig. 1.6 Multi-standard RF receiver sharing a multi-band LNA

paradigm. Moreover, the use of transceiver architectures like the one in Fig. 1.5
for 4G systems present additional disadvantages to be solved. On the one hand, 4G
multi-standard transceivers must be able to support different standards concurrently.
On the other hand, an important limitation to circuit reuse is the need for multiple
off-chip RF SAW filters, which forces to use separate RF front-end paths—made
up of a filter and a LNA for each standard—as shown in Fig. 1.4. Another possible
implementation is shown in Fig. 1.6, which consists of using separate filters and a
single multiple-input multi-band LNA [Bran05].

For the sake of completeness, Table 1.4 shows a summary of the state of the art in
CMOS multi-standard RF receivers reported so far5. Their main performance char-
acteristics are summarized including, among others, noise figure (NF), third-order

5 Data have been mainly collected from papers published in the IEEE Journal of Solid-State Circuits
and in the IEEE International Solid-State Circuits Conference.
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intermodulation intercept point (IIP3) and gain. The receiver architecture used, as
well as the standards that are covered, are also included in the table for comparison
purposes. Note that most of the reported receivers support multi-mode operation,
like for instance WLAN IEEE 802.11a/b/g [Ahol04, Rao05, Maed06], or a couple
of standards like Bluetooth and WLAN [Jung04, Dara05]. However, very few inte-
grated circuits (ICs) have been reported that intend to cover more than two different
communication standards (cellular and wireless area networks for instance) [Agne06,
Gian09, Inge10] and, to the best of the authors’ knowledge, no fully-integrated so-
lution has been published in open literature covering the major 4G standards (GSM,
UMTS, WLAN and WiMAX)6. This is partly due to the huge challenges involved
in the design of reconfigurable and adaptive analog/RF front-end circuits.

Indeed, the efficient implementation of CMOS multi-standard wireless trans-
ceivers demands for reconfigurable building blocks capable to operate over different
co-existing communication protocols, signal conditions and battery status, while
minimizing their power dissipation (portability) and silicon area (cost). An overview
of the different circuit-level techniques and state-of-the-art performance in CMOS
RF front-end circuits is beyond the scope of this work. Instead, the following sections
focus on the analog baseband section, putting especial emphasis on the ADC—main
objective of the work in this book.

1.3 Flexible CMOS Analog Baseband Circuits for 4G Telecom

The baseband section of a wireless transceiver provides the necessary adaptation,
in terms of sensitivity and selectivity, between the RF section (or alternatively the
IF section in other types of receiver architectures like superheterodyne or low-IF
topologies [Mak07]) and the DSP. Indeed, the term baseband emphasizes the fact
that no frequency shifting of the information-bearing signal transferred to or deliv-
ered from the DSP block is accomplished at this point and three basic operations are
implemented: amplification, filtering and data conversion [Delg03]. These opera-
tions are realized with the following building blocks: programmable gain amplifiers
(PGAs), low-pass filters (LPFs), ADCs and digital-to-analog converters (DACs). For
instance, in the receiver path, PGAs increase the signal amplitude while LPFs reduce
the power of out-of-band signals in order to adapt the required dynamic range for
the useful signal that is digitized and processed by the DSP.

Multi-standard multi-mode baseband sections must contain building-block cir-
cuits which should be very flexible and capable of adapting their performance to the
different standard requirements with scalable power consumption [Ryyn06]. This
adaptation is performed through a digital control (by the DSP) of biasing, gain pro-
grammability, circuit- and stage-level reconfiguration, block power down/up, etc

6 Note that the transceiver presented in [Inge10] seems to cover the specifications of the major 4G
standards from the multi-band LNA to the ADC.
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Fig. 1.7 Channel selection approaches: a Analog, b Mixed-signal, c Digital

[Basc06, Gian07]. Moreover, the design of the multi-standard baseband section im-
plies a number of trade-offs between LPF selectivity and circuit complexity [Basc06].
Normally, higher filter selectivity results in a lower number of amplification and fil-
tering stages [Delg03]. Besides, the received channel selection can be implemented
with an analog or a digital filter or both. The way in which filtering is shared be-
tween the analog and the digital side comprises a number of design trade-offs and
challenges. On the one hand, fully digital filtering is desired because it makes the
whole transceiver more robust and programmable to different operation modes. On
the other hand, the more filtering is translated to the digital side, the more demanding
the requirements for the data converters [Ryyn06].

1.3.1 Channel Selection

The main functionality of baseband filters is to perform channel selection, also known
as channel isolation. As discussed above, this operation can be made either in the
analog domain or in the digital domain or it can be a combination of both. These
three main filtering distribution schemes are shown in Fig. 1.7. The way in which
this is done directly affects the requirements of the filter and the ADC. For instance,
depending on the channel bandwidth, which can vary from hundreds of kHz (200
kHz in GSM) to tens or even hundreds of MHz (100 MHz in IEEE 802.11n), it may
be easier to realize an analog filter and PGA than an ADC with comparable dynamic
range or vice versa [Delg03].

Figure 1.7a shows a possible implementation of the fully-analog channel selec-
tion strategy. This is one of the most common situations in practice, employing
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continuous-time (CT) filtering in front of the ADC. The role of the filter is two-fold.
On the one hand, it provides the required selectivity. On the other, it prevents from
aliasing in the ADC sampling process [Holl01]. One of the main issues associated
to using CT filters like that in Fig. 1.7a is that their frequency response strongly
depends on the absolute values of the passive elements (i.e., capacitors and resistors)
and the transconductances involved. These elements are prone to statistical variations
that may deviate their nominal values ranging from 10 to 20% in nanometer CMOS
technologies. Therefore, in order to compensate for this problem, tuning schemes
are normally used [Tsiv92].

An alternative approach that relaxes the problem of using pure CT filters is shown
in Fig. 1.7b. In this scheme, switched-capacitor (SC) techniques are combined with
CT techniques in order to implement the channel-selection filter. A low-order (typi-
cally less than 3) CT anti-aliasing filter (AAF) is followed by an SC filter that samples
the incoming signal and rejects adjacent channels [Chan97]. However, this scheme is
limited in high-speed applications because of the high sampling frequency required,
which usually increases the power dissipation of the implementation.

The problems associated to the schemes in Fig. 1.7a–b can be partially alleviated
if a fully-digital filtering scheme is used, as illustrated in Fig. 1.7c. In this case, the
channel selection is performed completely in the digital domain, with the subsequent
benefits in terms of scalability and programmability. Indeed, if the ADC is based on
sigma-delta (��) modulation7 some of the functionalities—like amplification and
filtering—can be embedded in the ADC, and only a simple AAF filter (typically a
2nd-order passive filter) is needed. Moreover, in case the ADC is implemented using
CT circuits, theAAF operation is implicitly implemented by the loop filter of the ��

ADC [Cher00a]8 and the analog baseband can be simplified to just a single building
block, the ADC.

1.3.2 Programmable Baseband Filtering

The main design issue associated to multi-mode multi-standard filters is that tunabil-
ity of the corner frequency must be controlled over many different bandwidths—from
kHz to hundreds of MHz (see Table 1.1). Thus, the corner frequency control is

7 Fundamentals, basic architectures and state-of-the-art performance of �� modulators will be
described in detail in Chap. 2.
8 Indeed, the use of �� modulation techniques may benefit from CT circuits to implement CMOS
data converters operating within the GHz band [Ryck09] and, what is more important, many radio
functions like blocker-rejection filtering, frequency-mixing process, channel-selection, etc, can be
embedded within the �� converter architecture, thus simplifying that of the transceiver (in terms of
circuit complexity and number of building blocks), as well as allowing to be adaptable and digitally
programmable with high degree of robustness. However, the price to pay is very demanding ADC
specifications of linearity, clock jitter and circuit element tolerances and mismatches, apart from
their multiple trade-offs with power dissipation [Kim09].



1.4 Reconfigurable ADCs for SDR-Based Mobile Terminals 17

Frequency

LPF
Transfer
Function

Band2 BandnBand1

Wide-band Tuning

Fine Tuning

Fig. 1.8 Illustrating the baseband filtering tuning required before the ADC in a multistandard
wireless receiver

implemented in practice by discontinuous bands (instead of a continuous tuning) as
illustrated in Fig. 1.8 [Ryyn06].

Actually, the most common circuit techniques used to implement pro-
grammable/reconfigurable baseband channel-selection filters are active-RC and
Gm-C circuit techniques [Basc06, Ryyn06]. Active-RC filters have the advantages
of better linearity and larger signal swing, whereas Gm-C filters usually can operate
at higher frequencies with less power consumption. The cut-off frequency tuning can
be implemented by using switchable paths for rough tuning and element (capacitor,
resistor and/or transconductor) variation for fine tuning. The latter implies a trade-off
among frequency tuning range, noise and silicon area (cost) [Tsiv92, Ryyn06].

An important observation can be derived from the discussion above and, particu-
larly, from the circuit partitioning conceptually shown in Fig. 1.7. The circuit nature
and position of the ADC plays a critical role in the performance of the whole analog
baseband in terms of channel selection (selectivity), dynamic range (sensitivity) and
power consumption. These figures determine the complete performance of wireless
transceivers. This motivates exploring new techniques for the implementation of
reconfigurable/adaptive ADCs as the main objective of this book.

1.4 Reconfigurable ADCs for SDR-Based Mobile Terminals

As stated above, one of the most challenging parts of multi-standard mobile terminals
is the analog-to-digital interface9, because of the varying sampling rates and resolu-
tions required to handle the wide range of signals corresponding to each individual
operation mode (see for instance Table 1.3). Moreover, the position of the ADC

9 The analog-to-digital interface is made up of theADC in the receiver and the DAC in the transmitter.
Ideally, these blocks perform complementary data conversions from analog-to-digital and from
digital-to-analog sides. However the requirements imposed by many wireless standards to the former
are much more tougher to meet [Isma07], making its design much more complicated and critical
than in the case of multi-standard DACs, which normally rely on reconfigurable current-steering
architectures [Basc06].
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Fig. 1.9 Conceptual scheme
of RF digitization

Band-Selection
RF Filter

LNA ADC DSP

in a receiver has a direct influence on the overall performance in terms of circuit
complexity, programmability, power consumption and cost. Thus, depending on the
receiver architecture, the ADC has to digitize either intermediate-frequency (IF) or
baseband signals [Shi02].

Indeed, a good (and a priori direct) alternative may be pushing the analog-
to-digital interface as close as possible to the antenna—an approach commonly
referred to as RF digitization, which is conceptually illustrated in Fig. 1.9. As dis-
cussed above, this is the evident implementation of an SDR transceiver because the
digital-intensive architecture emulates perfectly a true software transceiver, thus in-
corporating software-upgradable tunability, adaptability, reconfigurability and the
capability to simultaneously process multiple channels. Although there have been
some attempts to implement such an approach—normally implemented in SiGe (BiC-
MOS) technologies [Cher00b, Chal07, Than07]—the resulting specifications for the
data converters lead to unfeasible power-hungry solutions for practical mobile hand-
sets in which reduced power consumption is a must. However, a number of CMOS
�� ICs have been recently reported based on digitizing only the desired channel,
which may result very promising candidates for the implementation of simplified
mainly-digital RF transceivers [Yama08, Ryck09, Lu10]10. In spite of the potential
benefits of RF digitization, due to the still very demanding power consumption, the
majority of reported multi-standard CMOS ADCs perform a baseband (BB) A/D
conversion, whereas a few ICs has been reported using either an IF A/D conversion
(also named band-pass ADC) and/or an IF-to-BB A/D conversion [Jant97, Salo03,
Veld03, Silv07].

This work focuses on baseband ADCs implemented using �� modulation tech-
niques. Compared to otherADC techniques, �� modulators (��Ms) are very suited
for the implementation of reconfigurable ADCs in highly integrated multi-standard
direct-conversion transceivers using low-cost, digitally-oriented nanometer CMOS
technologies [Mill03, Veld03, Chri07, Ouzo07, Putt07, Bos10, Crom10]. As will
be detailed in Chap. 2, this type of ADCs combines redundant temporal data (over-
sampling) to reduce the quantization noise and filtering (noise shaping) to push this

10 A good example of the RF-to-digital conversion approach has been recently published in
[Ryck09]. This ADC, consisting on a band-pass CMOS CT �� converter, uses the so-called un-
dersampling technique [Nade08] to digitize 2.4-GHz centered signals using a sampling frequency
of 3 GHz. The operation frequency is tuned by varying tank capacitors. Recently, the concept of IF
digitization using band-pass SC �� ADCs has been also successfully demonstrated in [Yama08]
and [Lu10], the former being able to program the carrier frequency from DC to 1/3 of the sampling
frequency, fs.
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Fig. 1.10 State-of-the-art CMOS ��Ms in the dynamic range-vs.-digital output rate plane

noise out of the signal band [Nors97a, Mede99, Geer02, Schr05b, Ortm06]. On
the one hand, the use of these analog signal-processing strategies results in high-
performance, robust ADCs, which have lower sensitivity to circuitry imperfections
than Nyquist-rate ADCs11, thus making easier to include reconfigurability and pro-
grammability functions without significant performance degradation. On the other
hand, ��Ms trade analog accuracy for signal processing, thus facilitating their inte-
gration in nanometer (analog hostile) CMOS technologies, more suited to implement
fast digital circuits than precise analog functions.

These reasons have prompted the use of ��Ms in a number of applications—
going from instrumentation to communications [Nors97a, Mede99, Geer02,
Schr05b, Ortm06]. As an illustration, Fig. 1.10 places the state-of-the-art ��

ADCs—which will be described in Chap. 2—in the resolution-bandwidth plane12. It
can be noted that a wide conversion region is covered, ranging over seven decades in
frequency and more than 15 bit in effective resolution. This feature motivates the use

11 According to the Nyquist theorem, the minimum value of the sampling frequency, fs—often re-
ferred to as Nyquist frequency and represented by fN ≡ 2BW—must be twice the signal bandwidth;
i.e., fN = 2BW. Based on this criterion, those ADCs with a sampling frequency, fs = fN are called
Nyquist-rate ADCs, while if fs > fN , the resulting ADCs are known as oversampling ADCs, and
OSR ≡ fs/fN is defined as the oversampling ratio.
12 The data in this figure are classified according to the main types of ��Ms. This will be described
in detail in Chap. 2.
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of this data conversion technique for the implementation of reconfigurable ADCs in
multi-standard telecom systems, where a number of different set of specifications;
i.e., effective resolutions and signal bandwidths, must be covered by a single IC.

The above-mentioned advantages have motivated the use of ��Ms in the majority
of reconfigurable ADCs intended for multi-standard wireless telecom reported so
far [Burg01, Dezz03, Salo03, Aria06, Chri07, Ouzo07, Bos10, Crom10, Chri10].
Fig. 1.11 depicts the resolution-bandwidth plane of state-of-the-art reconfigurable
ADCs employed for multi-mode multi-standard applications. Fig. 1.11 shows that
reconfigurable ADCs based on �� modulation are widely used and that they achieve
the highest resolutions over a range of 3 decades in signal bandwidths. Note from
the data in Fig. 1.11 that there is a range of more than 8 bits in the effective number
of bits (ENOB) covered by the reconfigurable multi-mode ��Ms as will be detailed
in this work.

This type of reconfigurable ADC can easily implement a combination of differ-
ent architectural- and circuit-level strategies to increase the programmability and
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adaptability of the ADC performance to a wide number of specifications with large
hardware reuse and power consumption scalability.

The number of applications is continuously increasing and it is expected that
the conversion region covered by reconfigurable ADCs will be larger and larger
according to the requirements demanded by next generations of wireless telecom
systems.



Chapter 2
�� ADCs: Basic Concepts, Topologies
and State of the Art

SIGMA-DELTA MODULATION HAS DEMONSTRATED TO BE VERY
SUITED FOR the implementation of Analog-to-Digital (A/D) interfaces in many
different electronic systems, covering a large number of applications from instru-
mentation to telecom [Nors97a, Mede99, Geer02, Schr05b, Ortm06]. This type of
A/D converters (ADCs), composed of a low-resolution quantizer embedded in a
negative feedback loop, uses oversampling (a sampling frequency much larger than
the Nyquist frequency) to reduce the quantization error and �� modulation to push
this noise out of the signal band [Inos62]. The combined use of redundant temporal
data (oversampling) and filtering (noise shaping) results in high-resolution, robust
ADCs which have lower sensitivity to circuit parasitics and tolerances, and are more
suited for their implementation in modern standard CMOS technologies [Rodr03,
Schr05b].

The aim of this chapter is to introduce the foundations of �� ADCs. The funda-
mentals of sampling and quantization processes—inherent to the A/D conversion—
are revised in Sect. 2.1 for the purpose of juxtaposing the operation principles of ��

modulation (oversampling and quantization noise shaping). Sect. 2.2 presents the
basic scheme of a �� ADC, together with its ideal behavior and a definition of its
most important performance metrics. A classification of practical implementations
of �� modulators is then presented in Sect. 2.3. Sect. 2.4 describes single-loop
�� architectures, discussing stability issues and practical topologies to implement
high-order loops. Cascade �� architectures are presented in Sect. 2.5 as an archi-
tectural alternative to implement unconditionally-stable high-order �� modulators.
Sect. 2.6 revises �� modulators with multi-bit embedded quantizers, analyzing their
pros and providing techniques to circumvent their impact on the modulator linearity,
such as dual-quantization or dynamic element matching techniques. Finally, the state
of the art in �� ADCs is reviewed from integrated circuit implementations reported
in open literature.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 23
DOI 10.1007/978-1-4614-0037-0_2, © Springer Science+Business Media, LLC 2011
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2.1 Fundamentals of the A/D Conversion

An ADC is a system that transforms signals which are continuous in time and ampli-
tude (analog signals) into signals which are discrete in time and amplitude (digital
signals). Fig. 2.1a shows the generic scheme of an ADC intended for the conversion
of low-pass signals that includes the following blocks: an anti-aliasing filter (AAF),
a sampling-and-hold circuit (S/H) and a quantizer. The signal processing involved in
the operation of the ADC blocks is illustrated in Fig. 2.1b both in time and frequency
domains. First, the analog input signal xa(t) of the ADC passes through the AAF in
order to remove spectral components above one half of the sampling frequency f s

of the S/H. Otherwise, according to the Nyquist theorem, out-of-band components
would be folded back into the signal band during the subsequent sampling process,
therefore corrupting the signal information. The resulting band-limited signal xf[t] is
then sampled at a rate f s by the S/H, yielding a discrete-time signal xs[n] = xf[nTs],
where Ts = 1/f s. Finally, the quantizer maps the range of amplitudes of xs[n] into a
discrete set of levels using B bits; i.e., each sample of the continuous-valued input is
coded onto the closer discrete-valued level out of the 2B levels that cover the variation
interval of the input signal. This process yields the converter digital output Yd[n].



2.1 Fundamentals of the A/D Conversion 25

The fundamental operations involved in the A/D conversion are sampling and
quantization, as illustrated in Fig. 2.1. On the one hand, the sampling process
performs the continuous-to-discrete conversion of the input signal in the time do-
main. On the other, the quantization process performs the continuous-to-discrete
conversion of the input signal in amplitude. These two transformations inherently
impose limitations to the performance of an ADC, even if its implemented using
ideal components.

2.1.1 Sampling

Sampling imposes a limit on the bandwidth of the analog input signal. According
to the Nyquist theorem, the minimum frequency f s required for sampling a signal
with no loss of information is twice the signal bandwidth, BW; i.e., f N = 2BW,
also called the Nyquist frequency. Based on this criterion, the ADCs in which the
analog input signal is sampled at minimum rate (f s = f N) are called Nyquist ADCs.
Fig. 2.1b illustrated the signal processing involved assuming a Nyquist ADC. Since
the input signal bandwidth equals f s/2, aliasing will occur if xa(t) contains frequency
components above f s/2. High-order AAFs are therefore required in Nyquist ADCs in
order to implement a sharp transition band and remove the out-of-band components
with no significant attenuation of the signal band.

2.1.2 Quantization

Quantization also limits the performance of an ideal ADC, since the process itself of
mapping continuous-valued levels into a set of discrete levels degrades the quality
of the input signal. In the process an error is generated, called quantization error.

This process is illustrated in Fig. 2.2 for the case of a 3-bit ideal quantizer (B = 3).
As the input signal changes from xmin to xmax, it is ‘rounded’ to one out of the eight
(2B) discrete levels. For a B-bit quantizer, the separation between adjacent levels is
defined by the quantization step � as

� = XFS

(2B − 1)
(2.1)

with XFS being the quantizer full scale.
The quantizer operation can be therefore described mathematically by a linear

model

y = gqx + e(x) (2.2)

where gq stands for the quantizer gain—the slope of the line intersecting the code
transitions—and e(x) stands for the quantization error. This error is a non-linear
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function of the input x, as shown in Fig. 2.2d. Note that, if x is confined in the
interval [xmin, xmax], the quantization error is bounded by ± �/2. For inputs outside
that interval, the absolute value of the quantizer error grows monotonically. This
situation is known as quantizer overload.

2.1.3 White Noise Approximation of Quantization Error

In order to evaluate the performance of an ideal quantizer, some assumptions are
usually made on the statistical properties of the quantization error which are collec-
tively called the ‘additive white noise approximation’. As shown in Fig. 2.2d, the
quantization error is strongly dependent on the input signal value. Nevertheless, if
x is assumed to change randomly from sample to sample in the interval [xmin, xmax]
and the number of levels in the quantizer is large, the quantization error can be as-
sumed uncorrelated from sample to sample. Quantization can therefore be viewed
as a random process, with the quantization error exhibiting a uniform probability
density function (PDF) in the range [−�/2, +�/2] [Benn48, Srip77]. The power
associated to the quantization error is then

σ 2(e) =
+∞∫

−∞
e2PDF(e)de =

+�/2∫

−�/2

e2 1

�
de = �2

12
(2.3)

This power will be uniformly distributed in the band [−f s/2, + f s/2] as the quantized
signal is sampled at rate f s and the quantization error will therefore exhibit a constant
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power spectral density (PSD) in that frequency interval

SE(f ) = σ 2(e)

fs
= �2

12fs
(2.4)

The degradation introduced by the quantizer in the performance of an ADC can be
expressed through the in-band quantization ‘noise’ power PQ, calculated as

PQ =
+BW∫

−BW

SE(f )df = �2

12
(2.5)

Note that f s equals 2BW in a Nyquist ADC and all the quantization noise power
therefore falls inside the signal band and passes to the ADC output as a part of the
signal itself.

2.1.4 Oversampling

Oversampling consists in sampling a signal faster than the minimum rate imposed
by the Nyquist theorem to avoid aliasing. How much faster than required the signal
is sampled is expressed through the oversampling ratio, defined as OSR = f s/(2BW).

Oversampling has two noticeable effects in an ADC. First, as illustrated in
Fig. 2.3a, since f s is larger than the Nyquist rate, the images of the input created by the
sampling process are more separated than in a Nyquist ADC. Spectral components of
the input signal in the range [BW, f s − BW] do not alias within the signal band and,
consequently, the transition band of the AAF can be smoother in an oversampling
ADC, what greatly simplifies its design. Second, as illustrated in Fig. 2.3b, when an
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oversampled signal is quantized, the quantization noise is uniformly distributed in
the range [− f s/2, + f s/2] and only a fraction of the total power lays within the signal
band. The in-band quantization noise power can therefore be calculated as

PQ =
+BW∫

−BW

SE(f )df =
+BW∫

−BW

�2

12fs
df = �2

12OSR
(2.6)

and decreases with OSR at a rate of 3 dB/octave.

2.1.5 Quantization Noise Shaping

The quantization noise power within the signal band can be further decreased through
the processing of the quantization error. Let us consider the quantization of an over-
sampled signal. If OSR is large, the input signal value will only slightly change from
one sample to another and most of the changes in the quantization error will occur
at high frequencies—i.e., low-frequency components of consecutive samples of the
quantization error e[n] will be similar. Hence, low-frequency in-band components
of the quantization error can be attenuated by subtracting the previous sample from
the current one

eHPF[n] = e[n] − e[n − 1] (2.7)

or further reduced by involving a larger number of previous samples in the error
processing

eHPF,1[n] = e[n] − e[n − 1], 1st − order error processing
eHPF,2[n] = e[n] − 2e[n − 1] + e[n − 2], 2nd − order error processing
eHPF,3[n] = e[n] − 3e[n − 1] + 3e[n − 2] − e[n − 3], 3rd − order error processing
. . . (2.8)

This procedure can be formulated in an unified manner in Z-domain as

EHPF, L(z) = (1 − z−1)L · E(z) (2.9)

indicating that the processed error is a (high-pass) filtered version of the original.
The filtering transfer function on the quantization error due to this processing, called
noise transfer function (NTF), is therefore obtained as

NTF(z) = (1 − z−1)L (2.10)

where L denotes the order of the filtering. If OSR is large enough, NTF takes small
values within the signal band and can be approximated to

∣∣∣NTF
(

ej2π f /fs
)∣∣∣2 =

∣∣∣1 − e−j2π f /fs
∣∣∣2L = 22Lsin2L

(
π f

fs

)
≈ 22L

(
π f

fs

)2L

(2.11)
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Hence, the in-band power of the filtered quantization error results in

PQ =
+BW∫

−BW

SE(f )|NTF(f )|2df ≈ �2

12
· π2L

(2L + 1)OSR(2L+1)
(2.12)

that is much smaller than only applying oversampling. The resulting error reduction
is illustrated in Fig. 2.4.

2.2 Basics of �� A/D Converters

In contrast to Nyquist ADCs, oversampling sigma-delta ADCs—usually referred
to as �� ADCs—make use of oversampling and noise shaping to decrease the
quantization noise power within the signal band and increase the accuracy of the
A-to-D conversion. Fig. 2.5 illustrates the basic scheme of a �� ADC, as well as the
signal processing involved. As shown, a �� converter comprises three main blocks:

• Anti-Aliasing Filter (AAF). Its function is the same as in Nyquist ADCs; i.e., to
band limit the input signal in order to avoid aliasing during sampling. As stated
above, oversampling considerably relaxes the attenuation requirements for this
analog filter and smooth transition bands are sufficient (see Fig. 2.3a).

• Sigma-Delta Modulator (��M). It simultaneously performs the oversampling
and quantization of the band-limited input signal. Quantization error is also high-
pass filtered by means of a given noise-shaping technique. This is accomplished
by placing an appropriate loop filter H(z) before a low-resolution quantizer and
closing a negative feedback loop around them. The in-band quantization noise is
therefore greatly decreased in comparison to that of the embedded quantizer. The
output of the ��M is a B-bit digital stream at f s sampling rate.

• Decimator. It reduces the rate of the ��M output stream down to the Nyquist
rate. Jointly, the word length increases from B to N in order to preserve resolution
as the word rate decreases. Although the block scheme of a decimator may differ
in practice from that illustrated in Fig. 2.5, it conceptually consists of a high-
selectivity digital filter and a downsampler. Frequency components of the stream
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Fig. 2.5 �� ADC: a generic scheme, b signal processing involved

above BW are removed1—and, therefore, most part of the shaped quantization
error—to avoid aliasing during the subsequent downsampling, in which the stream
rate is divided by OSR keeping only one out of every OSR samples.

The �� modulator is the block that has most influence upon the ADC performance,
basically because it is the responsible of the sampling and quantization processes
and, therefore, ultimately limits the accuracy of the A-to-D conversion.

1 A large steepness in the transition band is demanded usually for the filter in order to avoid degrading
the signal band. However, this specification is imposed on a digital filter and is a priori easier to
fulfill than for the analog AAF of a Nyquist ADC.
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2.2.1 Signal Processing in a �� Modulator

Figure 2.6a shows the basic scheme of a �� modulator. It consists of a feed-forward
path formed by a loop filter H(z) and a B-bit quantizer and a negative feedback path
around them using a B-bit DAC [Inos62]. The operation of the ��M can be explained
as follows. Assume that H(z) exhibits large gain inside the signal band and small
gain outside of it. Due to the negative feedback, the error signal x − y will become
practically null in the signal band; i.e., the input signal x and the analog version of the
output y will practically coincide within this band. Most of the differences between x
and y will therefore be placed at higher frequencies, shaping quantization error and
pushing it outside the signal band.

Figure 2.6b shows the linear model of a ��M, in which the DAC is assumed to be
ideal, the quantizer is replaced by the model in Fig. 2.2b and the additive white noise
approximation is considered for the quantization error. This way, the modulator can
be viewed as a two-input system whose output is represented in Z-domain as

Y(z) = STF(z)X(z) + NTF(z)E(z) (2.13)

where X(z) and E(z) are the Z-transform of the input signal and the quantization
noise, respectively, and STF(z) and NTF(z) are the respective transfer functions,
given by

STF(z) = gqH(z)

1 + gqH(z)
NTF(z) = 1

1 + gqH(z)
(2.14)

Since the signal and the noise pass through different transfer functions, H(z) can
be chosen so that the noise shaping does not affect the signal. Using a loop filter
with large gain within the signal band, the signal and noise transfer functions can be
approximated in that range to

STF(z) ≈ 1 NTF(z) ≈ 1

gqH(z)
� 1 (2.15)

The noise-shaping functions in (2.10) can be built with proper selection of H(z). The
easiest loop filter that exhibits the desired frequency performance is an integrator,
whose Z-domain transfer function is

H(z) = z−1

1 − z−1
(2.16)
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Fig. 2.7 PDM output stream of a 1st-order ��M for an input ramp

Assuming that the quantizer gain gq equals unity, the ��M output yields

Y(z) = z−1X(z) + (1 − z−1)E(z) (2.17)

and the modulator is called a 1st-order ��M, referring to the order of the noise
shaping.

Figure 2.7 shows the output of a 1st-order ��M with a 1-bit embedded quantizer
for a ramp input signal. Due to the combined action of oversampling and negative
feedback, the ��M output is a pulse-density modulated (PDM) signal that locally
tracks the input on average: when the input level is low, the ��M output contains
more −1’s than +1’s; when it is high, the +1’s are dominant; and when the input
signal is close to zero, the density of +1’s and −1’s practically coincides. If the
quantizer resolution is larger, the output tracks the input much closer, since the
separation between the discrete levels decreases.

2.2.2 Performance Metrics of �� Modulators

For the sake of clarity, it is convenient at this time to define the most important
parameters commonly used to quantify the performance of �� modulators; namely:

• Signal-to-noise ratio, SNR. It is the ratio of the output power at the frequency of
an input sinusoid to the uncorrelated in-band error power. Due to non-idealities of
the circuitry that implements the modulator, other (linear and non-linear) errors
apart from quantization noise contribute to the in-band error. SNR accounts for the
linear performance of the modulator the in-band power associated to harmonics is
therefore not included. For an ideal �� modulator and taking only quantization
error into account, the SNR can be approximated to

SNR
∣∣∣
dB

= 10log10

(
A2

2PQ

)
(2.18)

where A is the amplitude of the output sinusoid.
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• Signal-to-(noise + distortion) ratio, SNDR. It is defined as the ratio of the output
power at the frequency of an input sinusoid to the total in-band error power, taking
therefore into account harmonics at the modulator output.

• Dynamic range, DR. It is defined as the ratio of the output power at the frequency
of an input sinusoid with maximum amplitude to the output power for a small
input for which SNR = 0 dB (i.e., so that it cannot be distinguished from the error).
Ideally, a sinusoid with maximum amplitude at the modulator input XFS/2 will
provide an output sinusoid sweeping the full scale of the ��M quantizer and
hence

DR
∣∣∣
dB

= 10 log10

[
(XFS/2)2

2PQ

]
(2.19)

• Effective number of bits, ENOB. Since the DR of an ideal N-bit Nyquist
ADC equals 6.02N + 1.76, a similar relationship is established for �� ADCs
for comparison purposes [Bose88]:

ENOB =DR |dB − 1.76

6.02
(2.20)

where the ENOB represents the number of bits needed for an ideal Nyquist ADC
to achieve the same DR as the �� converter.

• Overload level, XOL. The SNR of a ��M does not increase monotonously for
input amplitudes in the range [0, XFS/2], where XFS stands for the quantizer full
scale. In practice, the embedded quantizer overloads for large amplitudes close
to XFS/2, causing an increase in the in-band error and a sharp drop in the SNR.
The maximum value of the SNR before that drop defines the peak SNR and the
corresponding input level is defined as the overload level XOL of the ��M.

The performance parameters defined above are illustrated in Fig. 2.8 on typical SNR
and SNDR curves of a ��M as a function of the amplitude of an input sinusoid
signal. Both curves usually coincide up to medium input levels, since distortion is
submerged into the modulator noise floor. For large input levels, harmonic distortion
becomes more evident and degrades performance, causing the deviation of the SNDR
curve.
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2.2.3 Ideal Performance of �� Modulators

The dynamic range of an ideal Lth-order ��M with a B-bit embedded quantizer
that operates at a given oversampling ratio can be obtained from (2.1), (2.12) and
(2.19) as

DR ≈ 10log10

(
3

2
(2B − 1)

2 · (2L + 1)OSR(2L+1)

π2L

)
(2.21)

and can therefore be increased if L, OSR and/or B are augmented. The pros and cons
of each possibility are discussed below:

• Increasing the modulator order L considerably improves the performance of a
��M, since quantization error will be more attenuated at low frequencies and
pushed to high frequencies. For a given OSR, the rise in DR when increasing L
in one leads from (2.21) to

�DR |dB ≈ 10log10

[
2L + 3

2L + 1
·
(

OSR

π

)2
]

(2.22)

This means, e.g., that the DR of a 4th-order ��M with OSR = 32 is improved in
21.3 dB (3.5 bit) in comparison to a 3rd-order one. However, stability problems
arise from using high-order shapings (L > 3). These problems can be circum-
vented using different techniques [Nors97a], but at the price of reducing DR in
comparison to the ideal value given by (2.21).

• Increasing the oversampling ratio OSR leads, according to (2.21), to an increase
in the dynamic range of 3(2L + 1)dB/octave for an ideal Lth-order ��M. This
is shown in Fig. 2.9, where DR and ENOB are plotted versus OSR for different
modulator orders. Note that for OSR > 4, the combined action of oversampling and
noise shaping considerably improves performance. However, for a given signal
band, larger OSRs lead to higher sampling frequencies and a faster operation of the
modulator internal circuitry. The latter, if achievable, penalizes power dissipation.
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• Increasing the resolution B of the modulator embedded quantizer leads to an
increase in the DR of approximately 6 dB (1 bit) per extra bit in the quantizer
[Geer02]. However, ��Ms with an internal multi-bit quantizer require a multi-
bit DAC in the feedback loop that—contrary to a single-bit one, with only two
levels—is not inherently linear. Note from Fig. 2.6 that non-linearities in the multi-
bit DAC will be directly added to the modulator input. The linearity required in
the DAC equals therefore in practice that wanted for the �� modulator.

2.3 Classification of �� Modulators

The above-mentioned strategies can be combined in many different ways giving
rise to a pleiad of ��M topologies reported in literature and that can be grouped
attending to different classification criteria [Rodr03]:

• The nature of the signals being converted: low-pass versus band-pass ��Ms.
• The type of dynamics of the loop filter. Historically, most of �� modulators

employed only discrete-time (DT) loop filters, as has been assumed in previ-
ous sections. Per contra, continuous-time (CT) �� modulators are also actually
implemented. They use CT loop filters but DT quantizers. Also hybrid CT-DT
modulators have been more recently reported.

• The number of quantizers employed. ��Ms employing only one quantizer are
called single-loop structures. Those employing several quantizers have different
names: cascades, dual-quantizer ��Ms, etc.

• The number of bits in the embedded quantizer. Historically, �� modulators
employed mostly single-bit quantizers because they are inherently linear. Today,
multi-bit ��Ms—i.e., those using multi-bit quantizers—are widely spread.

• Type of circuitry employed, devices available in the fabrication process, voltage
supply, etc. Most of the reported DT implementations employ switched-capacitor
(SC) circuits with high-quality passive capacitors—mixed-signal technology
options—, but others employ capacitors available on standard CMOS technolo-
gies, active capacitors built with MOS transistors, switched-current (SI) circuits,
etc.

Describing all possible ��M architectures derived from previous classification cri-
teria goes beyond the scope of this book. A detailed study of them can be found
in many papers and books [Nors97a, Mede99, Geer02, Schr05b, Ortm06]. Instead,
we will hereafter focus on low-pass DT �� architectures implemented using SC
techniques, field to which the main contributions of this book refer to.

2.4 Single-Loop �� Architectures

The fundamentals and ideal performance of generic DT ��Ms have already been
introduced. The 1st-order ��M has been also presented in Sect. 2.2.1 for illustrating
the operation of the simplest �� topology. However, its scope of application is very
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limited in practice due to the high correlation between the quantization error and the
input signal, which severely deviates from the white noise approximation and leads
to non-linear dynamic phenomena. This section is dedicated to modulator topologies
with a larger number of integrators and only one quantizer, called single-loop ��Ms.
Their linear performance—thanks to a better decorrelation of quantization error—
will be discussed together with some aspects that are not covered by the white
noise approximation, such as instabilities. A single-bit embedded quantizer will be
assumed.

2.4.1 Second-Order �� Modulator

We will start the review of basic modulator architectures with the single-loop second-
order topology [Cand85] shown in Fig. 2.10. Assuming a linear model for the single-
bit quantizer (comparator)2 as in Fig. 2.6b, the modulator output in Z-domain yields

Y(z) = g1g2gqz−2X(z) + (1 − z−1)
2
E(z)

1 + (g2
′gq − 2)z−1 + (1 + g1

′g2gq − g2
′gq)z−2

(2.23)

so that the following conditions must be fulfilled for a pure 2nd-order NTF:

g1
′g2gq = 1

g2
′ = 2g1

′g2

}
⇒ Y(z) = g1

g1
′ · z−2X(z) + (1 − z−1)2E(z) (2.24)

Note that the modulator can provide signal gain G = g1/g′
1 if different coefficients

are used in the first integrator for the input and the feedback paths. However, usually
g1 ≡ g′

1 and it will be so assumed hereinafter.
The conditions shown in (2.24) for pure 2nd-order shaping define relationships be-

tween the integrator coefficients, but not the values themselves. In general, selecting
the coefficients of a ��M involves solving several trade-offs between architectural,
circuit and technological aspects of the practical implementation; namely:

• Keeping the integrator outputs bounded to ensure the modulator stability3.
• Maximizing the overload level XOL of the ��M to ensure a high peak SNR.

2 Note that a two-level quantizer has no inherent gain and, therefore, there is no obvious value for
gq. The linear model used henceforth for comparators assumes that gq is such that the product of
the loop gain factors is forced to unity by the feedback loop [Will91]. This model for comparators
in a ��M is empirical, but its results usually compare well to computer simulations using the true
non-linear quantizer function.
3 A ��M is considered stable if, for bounded inputs and whatever integrators initial conditions,
the internal state variables (integrator outputs) remain also bounded over time.
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Table 2.1 Some reported coefficients for 2nd-order single-bit ��Ms

Coefficients [Bose88] [Yin94] [Mede99] [Marq98]

g1, g′
1 0.5, 0.5 0.25, 0.25 0.25, 0.25 1/3, 1/3

g2, g′
2 0.5, 0.5 0.5, 0.25 1, 0.5 0.6, 0.4

OS/� (at − 4 dBFS) 1.50 0.75 1.25 1.00
Unitary capacitorsa 6 (3 + 3) 10 (4 + 6) 9 (5 + 4) 20 (4 + 16)

a Capacitor sharing between coefficients in an integrator is assumed
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Fig. 2.11 Lth-order single-loop ��M with distributed feedback

• Minimizing the required signal swing at the integrator outputs; i.e., the integrator
output swing (OS) specifications should be, first, achievable in practice, and
second, as low as possible in order to reduce power consumption and to ease
circuit design.

• Simplifying the implementation of the coefficients. In SC ��Ms they are imple-
mented as capacitor ratios using unitary elements for improved matching. A set
of coefficients involving a small number of unitary capacitors leads to a saving of
silicon area.

For comparison purposes, Table 2.1 shows some sets of coefficients for 2nd-order
�� reported in literature. All of them exhibit an overload level XOL ≈ − 4 dBFS
(− 4 dB below the full-scale amplitude, �/2). The requirements on integrator OS
and the total number of unitary capacitors are also included.

2.4.2 High-Order �� Modulators

The simplest way to extend a ��M to an arbitrary Lth-order shaping consists of
including L integrators before the quantizer [Ritc77]. Extending the 2nd-order ��M
in Fig. 2.10, the architecture in Fig. 2.11 can be obtained, often called Lth-order
single-loop ��M with distributed feedback. Using a linear model, its output would
be given by

Y(z) = z−LX(z) + (1 − z−1)LE(z) (2.25)

if a set of relationships between the coefficients were fulfilled, similar to those in
(2.24) for 2nd-order ��Ms. The in-band quantization error for this NTF would
ideally be given by (2.12), therefore achieving very low PQ for large L, even for low
OSR.
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Nevertheless, this performance is not achievable in practice because ��Ms with
pure differentiator NTFs—i.e., FIR filters like (1 − z−1)L—are prone to instability4

if L > 2, exhibiting unbounded states and poor SNR in comparison to that predicted
by the linear model. This tendency to instability can be qualitatively explained as
follows [Adam97]. For a ��M to be stable, the input to the quantizer must not be
allowed to become too large. Since the quantizer input in Z-domain is given by

I(z) = STF(z)X(z) + [NTF(z) − 1]E(z) (2.26)

the gain of NTF(z) − 1, or simply NTF(z), must not be too large. However, the gain
of NTFs of the form (1−z−1)L rapidly increases for high frequencies if L > 2, having
a maximum ‖NTF‖∞ = max[NTF(z)] = 2L at z = −1(f = fs/2).

The determination of exact conditions to guarantee the stability of higher-order
(L ≥ 3) ��Ms is still an open question, but, despite the absence of general stability
conditions, high-order ��Ms have been successfully designed since the late 1980s.

2.4.2.1 Optimization of NTFs

Figure 2.12 illustrates the so-called interpolative architecture introduced by Lee and
Sodini [Lee87], which allows to obtain high-order stable designs. Thanks to the
large set of coefficients in multiple feed-forward and feedback paths, more complex
high-pass NTFs can be built with sufficiently low gain at the high-frequency region.
Let us first consider that the feedback coefficients Bi are set to zero. In this case, the
following IIR NTF is obtained

NTF(z) = (z − 1)L

D(z)
(2.27)

4 Instability appears at the modulator output as a large-amplitude low-frequency oscillation, leading
to long strings of alternating +1’s and −1’s [Adam97].



2.4 Single-Loop �� Architectures 39

where all zeros are located at z = 1 (DC) and D(z) is a polynomial determined by the
feed-forward coefficients Ai. These coefficients can be adjusted to build a high-pass
Butterworth or Chebyshev filter for NTF, with cutoff frequency beyond the signal
band and almost flat gain in the filter pass-band. For the ��M to remain stable, this
gain must be adjusted to satisfy5

‖NTF‖∞ = max[NTF(z)] ∼ 1.5 (2.28)

However, with all zeros at DC, NTF rises monotonically in the signal band like an
Lth-order function and its gain at the end of the signal band will therefore practically
determine the total in-band error power. The feedback coefficients Bi in the Lee-
Sodini ��M are in practice used to modify the NTF in (2.27) and place notches in
the signal band for further shaping of the quantization error. The values of Bi are set
small in comparison to Ai in order to obtain NTF poles mostly controlled by the latter
coefficients, preserving therefore the flat out-of-band gain of NTF and the modulator
stability.

In [Lee87] the zeros are fixed to obtain an NTF with equal-ripple response over
the signal band, but other alternatives are also feasible. The approach followed in
[Schr93] leads to minimizing PQ by optimally placing complex-conjugate zeros of
NTF at frequency positions obtained by solving the minimization problem

min

⎡
⎣

BW∫

0

|NTF(f )|2 df

⎤
⎦ ⇒ min

⎡
⎢⎢⎢⎢⎢⎢⎢⎢⎣

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎩

1∫

0

L/2∏
i=1

(f 2 − f 2
zi
)
2
df, L even

1∫

0

f 2
(L−1)/2∏

i=1

(f 2 − f 2
zi
)
2
df, L odd

⎤
⎥⎥⎥⎥⎥⎥⎥⎥⎦
(2.29)

where fzi represents the location of the complex zeros normalized to BW. The so-
lutions for (2.29) up to L = 8 can be found in [Schr93]. Fig. 2.13 illustrates these
alternatives for implementing stable high-order NTFs for a 5th-order ��M with
OSR = 64. Note from Fig. 2.13a that the position of the poles has been fixed follow-
ing a Butterworth configuration, so that the cutoff frequency of NTF is beyond the
signal band—vertical line in Fig. 2.13b—and its out-of-band gain is 1.5 (3.5 dB).
Two notches can be introduced in the signal band by slightly moving four of the
zeros at z = 1 along the unit circle. As shown in Fig. 2.13b, this considerably reduces
|NTF(f )| at the upper edge of the signal band and therefore the final PQ (18-dB
reduction for the case considered).

Figure 2.14 shows the maximum SNR achievable by single-loop ��Ms of various
orders following these two approaches. The ideal performance for pure differentiator

5 This empirical condition is commonly accepted as a rule of thumb for designing stable high-order
NTFs [Adam97]. Other stability criteria also exist, but none of them can ensure the stability of
an arbitrary high-order single-bit ��M [Schr93]. Computer simulation is still the most reliable
method to verify stability.
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NTFs is included for comparison purposes in this figure as in Fig. 2.13, indicating that
the SNRs obtained in practice are much lower. Nevertheless, as shown in Fig. 2.14b,
the optimal placement of notches within the signal band can lead to stable high-order
��Ms with high SNR at moderate OSR.

2.4.2.2 Common High-Order Topologies

Many �� modulator topologies have been developed for implementing high-order
NTFs with the characteristics of most common IIR filter families. Most of them make
use of use multiple weighted feedback or feed-forward paths (or both) [Adam97].
The two architectures of 5th-order ��Ms illustrated in Fig. 2.15 can be considered
typical examples.

Figure 2.15a illustrates a topology with feed-forward summation of the integrator
outputs before the quantizer. If γi = 0, a high-pass NTF is obtained with all zeros at
DC. By adding small negative feedback locally, around pairs of integrators in the loop
filter, pairs of zeros can be moved along the unit circle to create notches in |NTF(f )|
at frequencies 2π fi/fs ≈ √

γi. Once NTF is set for the desired noise shaping, the
modulator topology fixes the signal transfer function to STF(z) = 1 − NTF(z).

The architecture in Fig. 2.15b that includes distributed feedback and feed-forward
paths can be used if a certain degree of freedom is desired in designing both NTF
and STF. In this topology, the zeros of STF can be fixed with coefficients bi without
affecting the pole placement. Local resonator feedbacks can be also included to set
notches in |NTF(f )|.

A common drawback of most high-order topologies implementing IIR filters for
NTF is the increased circuit complexity due to the many feedback and feed-forward
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zeros at z = 1, b NTF with zeros optimally spread over the signal band. (Data taken from [Schr93])

coefficients required. Furthermore, some of the coefficients may be consider-
ably small [Chao90, Kuo99], leading to large capacitor ratios in the final SC
implementation and, therefore, to great power consumption and area occupation.

Another strategy for designing stable high-order single-loop ��Ms basically
consists of extensively exploring the design space by means of behavioral simula-
tions searching for sets of coefficients that are easy to implement and maximize the
modulator SNR, while achieving a reasonable overload level. This procedure is fol-
lowed in [OptE90] and [Marq98] for the distributed feedback topology in Fig. 2.11.
High-pass IIR NTFs are obtained with zeros at DC, but the obtained placement of
poles does not follow any particular filter family configuration.



42 2 �� ADCs: Basic Concepts, Topologies and State of the Art

a5a4a3a2a1 y

X

Y
z

1 z–
---------------- z

1 z–
---------------- z

1 z–
---------------- z

1 z–
---------------- z

1 z–
----------------

b b b b b

b DAC

_ _ _ _ _

a

X

z

1 z–
---------------- 1

_ _

1 z–
---------------- z

1 z–
---------------- 1

1 z–
---------------- z

1 z–
----------------

a aaa a

y
DAC

Y

_

Fig. 2.15 5th-order single-loop ��Ms: a with feed-forward summation and local resonator
feedbacks, b with distributed feedback and distributed feed-forward input paths

2.4.2.3 Non-linear Stabilization Techniques

In spite of the procedures described above, the resulting high-order single-loops
are only conditionally stable and instabilities may therefore appear for inputs above
certain bounds or for certain initial conditions. Non-linear techniques can be used to
ensure global stable operation. Limiters can be included at the integrators in order to
preclude their outputs from exceeding ‘safe’ values of the state-variable, previously
identified during stable operation of the modulator [OptE90]. Instead of clipping
the integrators outputs, they can be reset to zero or some other initial condition
at power-up of the system or when unstable operation is detected [Mous94]. The
detection of instability can be done at the integrator level, by placing comparators
to determine if a state variable has surpassed a certain limit, or by monitoring the
length of consecutive +1’s and −1’s at the modulator output.

2.5 Cascade �� Architectures

As stated in the previous section and illustrated in Fig. 2.14, precluding instabilities
in high-order single-loop �� modulators leads to attainable values of SNR that are
considerably far from ideal. An alternative to circumvent instabilities while obtaining
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high SNR can be found in the so-called MASH (multi-stage noise-shaping) ��Ms,
often referred to as cascade ��Ms [Mats87, Long88]. The generic scheme of a
cascade ��M is shown in Fig. 2.16. It consists of several low-order �� modulators
or stages, in which each stage remodulates a signal containing the quantization error
generated in the previous one. The outputs Yi of the low-order ��Ms are properly
processed and combined in digital domain in order to cancel out in the overall cascade
output Y the traces of the quantization errors of all the stages, but the last one. This
latter error appears at the overall modulator output, after the digital cancellation logic
(DCL block in Fig. 2.16), with a noise shaping of order equal to the summation of
the orders of the cascaded stages. Furthermore, since all feedback loops are local and
there is no inter-stage feedback, unconditionally-stable high-order shaping can be
obtained provided that only ��Ms with order L ≤ 3 are cascaded. The performance
of a MASH ��M is, therefore, similar to that of an ideal high-order loop with no
stability issues.

For an N-stage cascade ��M like that in Fig. 2.16, by means of adequately
processing in digital domain the stages outputs, only the modulator input signal X(z)
and the last-stage quantization error EN(z) remain in the overall modulator output,
yielding

Y(z) = STF(z)X(z) + NTFN (z)EN (z) = z−LX(z) + d2N−3(1 − z−1)LEN (z)
(2.30)

where L = L1+L2+· · ·+LN and d2N−3 is a scaling factor related to the transmission
of the input signal from one stage to another (in order to avoid overloading of the
stages) that amplifies the last-stage quantization error. The in-band quantization error
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power of a N-stage cascade is, therefore, given by

PQ ∼= d2
2N−3 · �2

N

12
· π2L

(2L + 1)OSR(2L+1)
(2.31)

with �N being the level spacing in the BN-bit quantizer of the N th modulator stage.
Hence, the performance corresponds to that of an ideal Lth-order BN-bit ��M,
except for the scalar d2N−3 that causes a systematic loss of performance. Common
values for this amplifying factor are 2 and 4, which lead to a reduction in the attainable
SNR of 6 dB (1 bit) and 12 dB (2 bit), respectively. These performance losses that are
inherent to cascade ��Ms, are however considerably lower than those resulting for
optimized high-order single loops (see Fig. 2.14). Moreover, in the case of MASH
��Ms, they are independent of OSR.

The aforementioned benefits have favoured the development of a great number
of cascade �� topologies. Fig. 2.17 illustrates two different 2-stage cascades. A
3rd-order ��M that is formed by a 2nd-order stage followed by a 1st-order stage
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Table 2.2 Relationships to be fulfilled for digital cancellation in the 2-1 and the 2-2 ��Ms

2-1 ��M 2-2 ��M

Analog Digital Analog Digital

g′
2 = 2g′

1g2 d0 = g′
3

g′
1g2g3

− 1 H1(z) = z−1 g′
2 = 2g′

1g2 d0 = g′
3

g′
1g2g3

− 1 H1(z) = z−2

d1 = g′′
3

g′
1g2g3

H2 (z)= (1−z−1)2 g′
4 = 2g′′

3g4 d1 = g′′
3

g′
1g2g3

H2(z) = (1−z−1)2

[Long88] (so-called 2-1 ��M) is shown in Fig. 2.17a, whereas a 4th-order cascade
built up by two 2nd-order stages [Kare90, Bahe92] (2-2 ��M) is shown in Fig. 2.17b.
Table 2.2 also summarizes the relationships between integrator coefficients (analog
coefficients) and the blocks in the digital cancellation logic (digital coefficients and
filters) that must be fulfilled for a proper performance of the cascades in accordance
with (2.30).

Many other MASH topologies have been proposed: a 4th-order 3-stage cascade
(2-1-1 ��M) [Yin94], 5th-order cascades implemented as a 2-2-1 ��M [Vleu01]
or as a 2-1-1-1 ��M [Rio00], a 6th-order 2-2-2 architecture [Dedi94], etc. Although
cascade ��Ms can a priori be extended to whatever number of stages to increase
the order of the noise shaping, non-idealities in the analog circuitry of the final im-
plementation (e.g., mismatching) limit in practice the effectiveness of this approach.
They cause deviations in the performance of the analog section of the cascade (in-
tegrator coefficients and transfer functions) which impede that the DCL completely
cancels the NTFs of the first N − 1 stages at the overall output. This effect, called
noise leakage, causes traces of the lower-order quantization errors to appear at the
cascade output, where they can dominate the overall in-band error power6 [Rebe97].

Note that the relationships in Table 2.2 for the digital section of the cascade assume
that the digital cancellation logic is structured according to Fig. 2.16b. For other kind
of structures, the equations may be different, but anyhow the digital part will have to
fulfil given relationships with the analog one. Once these relationships are fulfilled,
the value of the free analog coefficients is fixed for minimum loss of performance
and simpler circuit implementation of the cascade ��M. Proper concerns for their
selection are:

• Minimizing the loss of performance in comparison to an ideal ��M.
• Maximizing the modulator overload level to ensure high peak SNR.
• Minimizing the integrators output swing, especially in low-voltage scenarios.
• Easing the implementation of the analog coefficients as capacitor ratios with

unitary elements by means of enabling capacitor sharing within the integrators,
reducing the total number of unitary capacitors to save silicon area, etc.

6 Obviously, non-idealities in the analog circuitry also affect the practical performance of single-
loop ��Ms. Nevertheless, their operation does not rely in the cancellation of quantization errors
and their sensitivity to noise leakages is therefore much lower than for cascade ��Ms.
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Table 2.3 Some sets of analog coefficients reported for the 4th-order 2-2 ��M

Coefficients [Miao98] [Marq98]-A [Marq98]-B

g1, g′
1 0.25, 0.25 0.5, 0.5 0.5, 0.5

g2, g′
2 0.5, 0.25 0.5, 0.5 0.5, 0.5

g3, g′
3, g′′

3 0.5, 0.125, 0.25 1, 0.5, 0.5 0.5, 0.25, 0.5
g4, g′

4 0.5, 0.25 0.5, 0.5 0.5, 0.5
d0, d1 1, 4 1, 2 1, 4
�SNR in comparison to ideal −12 dB (−2 bit) − 6 dB (−1 bit) − 12 dB (−2 bit)
XOL/(�/2) −2 dBFS −5 dBFS −2 dBFS
Unitary capacitorsa 28 (4 + 6 + 12 + 6) 13 (3 + 3 + 4 + 3) 16 (3 + 3 + 7 + 3)

a Capacitor sharing between coefficients in an integrator is assumed
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Fig. 2.18 SNR curves of the 2-2 cascade ��Ms in Table 2.3 for OSR = 32

• Facilitating the implementation of the digital cancellation logic; e.g., power-of-
two coefficients are often preferred in order to use simple shift registers.

For comparison purposes, Table 2.3 shows some sets of analog coefficients reported
for the 4th-order 2-2 cascade ��M. Related aspects, like nominal performance
loss, overload level and minimum number of unitary capacitors, are also included.
Obviously, many trade-offs exist between the aforementioned aspects, but once they
are worked out the SNR obtained with a cascade ��M can be considerably larger
than with its single-loop counterpart. Fig. 2.18 shows the SNR curves of the three
2-2 ��Ms in Table 2.3 for an oversampling ratio of 32, in which peak SNRs of
approximately 91 dB are obtained. This value surpasses in 30 dB the peak SNR
achieved by a stable 4th-order single-loop ��M with all NTF-zeros at DC (see
Fig. 2.14a). The improvement is still around 10 dB in comparison to optimized
4th-order NTFs with two notches within the signal band (see Fig. 2.14b).
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2.6 Multi-bit �� Architectures

As previously stated, the dynamic range of a �� modulator can be enhanced by
means of increasing the order of the quantization noise shaping. Nevertheless, the
expected improvement in performance for large modulator orders can vanish due to
instabilities in single-loop �� architectures (see Sect. 2.4.2) or due to noise leakages
in cascade �� topologies (see Sect. 2.5). In accordance with (2.19), an alternative
way for further increasing the modulator DR consists of using embedded quantizers
with larger resolution. The main advantages of multi-bit �� modulators are:

• The in-band quantization error power is roughly reduced 6 dB per additional bit
in the embedded quantizer thanks to the smaller internal quantization step �.

• Internal non-linearities are weaker in multi-bit ��Ms than for single-bit coun-
terparts. The quantizer operation better fits the white noise approximation and
phenomena caused by non-linear dynamics are less evident.

• For a given order in the loop filter, the stability properties for multi-bit ��Ms
are better than for single-bit �� architectures.

The aforementioned benefits suggest that, for a targeted modulator performance,
multi-bit quantization can be traded for noise shaping and/or oversampling. Indeed,
multi-bit ��Ms are often employed in wideband applications, since the oversam-
pling ratio can be lower than in their single-bit counterparts. This helps to reduce the
operation frequency and, therefore, the power consumption not only in the ��M
itself, but also in the decimation filter. Nevertheless, besides the increase in cir-
cuit complexity when moving from single- to multi-bit quantization, other aspects
related to linearity requirements have a strong impact on the modulator operation.
Contrary to 1-bit quantizers that are intrinsically linear because only two levels
are used in the quantization process, multi-bit quantizers exhibit in practice some
non-linearities in their transfer characteristic mostly due to device mismatching. As
we indicate below, these errors have a significant influence on modulator perfor-
mance and may represent an important drawback that counters the aforementioned
advantages.

2.6.1 Impact of DAC Non-linearities

Figure 2.19 illustrates the linear model of a multi-bit ��M, in which errors related to
the multi-bit conversion are added to the quantization error e that has been taken into
account so far; namely, an error eADC associated to the A-to-D conversion process
and an error eDAC in the subsequent D-to-A conversion required to reconstruct the
analog feedback signal. Note that eADC is injected in the same path as the quantization
error e and is also therefore attenuated by the gain of the loop filter within the signal
band. However, DAC errors are injected in the feedback path and the corresponding
non-linearities are therefore directly added to the modulator input where they are not
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be mitigated by noise shaping; i.e., they pass to the modulator output as the input
signal does. Consequently, the linearity of a multi-bit ��M will be no better than
that of the multi-bit embedded DAC [Carl97] and the latter must be designed to reach
the linearity targeted for the whole �� ADC, what is quite challenging due to the
influence of component mismatching.

Figure 2.20 shows the architecture typically employed for the embedded quan-
tizer and the feedback DAC in multi-bit �� modulators, which is fully parallel
since the number of internal bits is normally low (B ≤ 5). The B-bit ADC consists
of a bank of 2B − 1 comparators that digitizes the output of the loop filter into ther-
mometer code, which is subsequently coded into binary at the back end. On the
other hand, the DAC employs 2B − 1 unitary elements (capacitors, resistors, current
sources, etc.) to reconstruct the analog feedback signal using 2B levels. The ith ana-
log output level is generated by activating i unitary elements and adding their outputs
(charges or currents). Errors in the DAC are originated by the mismatching between
its unitary elements, which causes the deviation of the DAC output levels from their
nominal values. Assuming that the actual value of each unitary element follows
a Gaussian distribution, the worst-case relative error in the DAC output y can be
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estimated as [Carl97]
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(
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)
(2.32)

where σ(�Ue/Ue) is the relative error in the value of the unitary element. Obviously,
the accuracy in the DAC increases with the number of unitary elements thanks to the
parallel topology. However, for a ��M with 4-bit internal quantization to achieve
16-bit linearity, the required matching of the unitary elements in the DAC should
be better than 0.01% (13 bits). Unfortunately, the matching of devices that can
be achieved in present-day CMOS processes is in the range of 0.1% (10 bits) and
the required accuracy in the unitary components could only be obtained through
the parallel connection of many more elements. This clearly means that achieving
linearities larger than 12 or 13 bits in multi-bit ��Ms, while relying only on standard
device matching, leads to prohibitive area occupation.

A straight-forward method to improve the standard device matching consists of
trimming their values [Carl97], what can be sometimes done at the foundry, but at
the expense of additional fabrication and/or measurement steps and increased cost.
Analog calibration running periodically or in background can also be used to this
purpose and to compensate for drifts or aging, but at the cost of a significant increase
in circuit complexity. Another strategy consists of converting DAC errors into digital
form and correcting them in digital domain using look-up tables [Carl97].

Among the different alternatives that have been developed through the years for
achieving high-linear multi-bit ��Ms, two of them clearly prevail because of the
modest component matching and circuit complexity involved. These are discussed
below.

2.6.2 Dynamic Element Matching

As previously stated, mismatching between the unitary elements of the feedback
DAC in a multi-bit ��M causes non-linear errors to be directly added at its input,
therefore limiting the overall modulator linearity. For a given DAC with the structure
in Fig. 2.20, there is a univocal correspondence between the thermometric input code
and the respective DAC error, because the same unitary elements are always used
to generate a given DAC output level. The fundamental idea underlying dynamic
element matching (DEM) consists of breaking this direct correspondence by varying
over time the set of elements that are used to generate a given DAC output level,
therefore transforming its fixed error into a time-varying one. As shown in Fig. 2.21,
a digital block is added to control the selection of elements at each clock cycle accord-
ing to an algorithm that tries to drive the average error in each DAC level to zero over
time. Part of the DAC error power that laid in the low-frequency range will therefore
be moved to higher frequencies, where it will be removed by the decimation filter.

Many of the different DEM techniques that have been developed are detailed in
[Geer02]. They can roughly be grouped in the following clusters:
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• Randomization algorithms, in which the DAC unitary elements are selected
according to pseudo-randomly configured networks (e.g., butterfly structures).
Harmonic distortion induced by the DAC is transformed into white noise, whose
out-of-band power will be removed by decimation. The DAC error power laying
within the signal band will however increase the modulator noise floor.

• Rotation algorithms, in which the DAC unitary elements are selected in a periodic
manner for shifting harmonic distortion out of the signal band. The modulator
noise floor is not increased, but the processing can originate mixed frequency
components that fold back into the baseband. Clocked averaging (CLA) is an
example of this kind of DEM techniques.

• Mismatch-shaping algorithms, in which the DAC unitary elements are selected
according to algorithms that conform the mismatching error in order to push most
of its power to higher frequencies. The order of the mismatch shaping is normally
limited to one or two. Individual level averaging (ILA), data weighted averaging
(DWA and its many modifications) and data directed scrambling (DDS) pertain
to these kind of algorithms, whose use is very extended.

2.6.3 Dual-Quantization Techniques

An alternative approach to reduce the impact of DAC non-linearities in multi-bit
��Ms can be found in dual-quantization techniques, in which both single- and
multi-bit quantizers are used at a time in the same ��M. The underlying idea is
to combine their benefits: two-level quantization for its the intrinsic linearity and
multi-bit quantization for its reduced error power. Architectural examples of these
techniques will be discussed below.

2.6.3.1 Leslie-Singh Architecture

Figure 2.22 shows the general scheme of the dual-quantizer ��M proposed by Leslie
and Singh [Lesl90]. Single-bit quantization is used in the �� feedback loop because
of its intrinsic linearity and a path containing only a multi-bit quantizer is connected
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Fig. 2.22 Leslie-Singh �� modulator

to the loop filter output. The two quantizer outputs are then properly combined in
digital domain to reduce the quantization error at the output to that of the multi-bit
quantizer. Note that the scheme in Fig. 2.22 can be simplified in practice by removing
the comparator and feeding the most-significant bit of the B-bit quantizer back to the
�� loop.

The Leslie-Singh topology can be viewed as a MASH ��M, in which the first
stage is an Lth-order single-bit ��M and the second stage is a 0-order B-bit ��M.
It therefore requires perfect cancellation of the 1st-stage 1-bit quantization error at
the modulator output and also suffers from noise leakage problems. Note also that,
although the modulator output ideally contains only the quantization error coming
from the multi-bit quantizer, the stability of the architecture does not improve as in
standard multi-bit ��Ms, since the loop is closed through single-bit feedback. The
NTF cannot therefore be optimized to more aggressive high-order shapings without
jeopardizing stability.

2.6.3.2 Dual-Quantizer Single Loops

An alternative way of employing dual quantization in high-order ��Ms is illustrated
in Fig. 2.23. In the 3rd-order ��M shown, the first two integrators are fed by a 1-
bit DAC, while the third one is fed by a multi-bit DAC. The modulator linearity is
not menaced, since DAC non-linearities are suppressed by the gain of the first two
integrators. At the same time, the topology benefits from improved stability thanks
to the multi-bit feedback in the last integrator. In practice, the most-significant bit
of the B-bit quantizer can be used to close the 1-bit feedback. Under linear analysis,
the modulator output is ideally obtained as

Y(z) = z−1X(z) + 2(1 − z−1)3E2(z) − 2z−1(1 − z−1)2EDAC(z) (2.33)

yielding 3rd-order shaping for the B-bit quantization error, E2(z), and 2nd-order
shaping for the DAC errors, EDAC(z). Note that the topology suffers however from
noise leakages.
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Fig. 2.23 A 3rd-order single-loop ��M with dual quantization. [Hair91]

The concept in Fig. 2.23 can be generalized to higher-order ��Ms. As the order of
the loop filter increases, the number of back-end integrators with multi-bit feedback
can be traded off with aggressive noise shaping (for improved stability) and linearity
requirements of the multi-bit DAC.

2.6.3.3 Dual-Quantizer Cascades

Dual-quantization techniques can be easily incorporated to generic MASH ��Ms.
As shown in (2.30), the output of a cascade ��M ideally contains only the input
signal and the last-stage quantization error, whereas the quantization errors from the
remaining stages are removed by the DCL. The dynamic range of the ��M can
therefore easily be increased by using multi-bit quantization only in the last stage of
the cascade. The remaining quantizers are usually single-bit to retain linear feedback
in the front-end stages. This way non-linearities in the multi-bit DAC are injected in
the back-end stage of the cascade and they will appear at the modulator output with
the attenuation provided by the integrators in the preceding stages. This is usually
sufficient for achieving a good linearity performance in the MASH ��M, with no
need for correction techniques in the multi-bit DAC.

The resulting topology is that illustrated in Fig. 2.16, considering Bi = 1 for
i = 1,. . . , N − 1 and BN = B. Under ideal linear analysis, the output of this generic
N-stage cascade ��M with multi-bit quantization at the back end yields

Y(z) = STF(z)X(z) + NTFN (z)EN (z) + NTFDAC(z)EDAC(z)

= z−LX(z) + d2N−3(1 − z−1)LEN (z) + d2N−3(1 − z−1)(L−LN )EDAC(z)
(2.34)

where L is the summation of the stage orders, d2N−3 is the scaling factor due to inter-
stage coupling (usually 2 or 4), EN (z) is the last-stage quantization error and EDAC(z)
is the error in the multi-bit DAC. Note that the DAC error will be (L − LN )th-order
shaped—i.e., the overall cascade order minus that of the back-end stage.

Figure 2.24 illustrates the block diagram of the first reported cascade employing
dual quantization [Bran91]. It is a 3rd-order cascade ��M employing a 2nd-order
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front-end stage with 1-bit quantization for linear feedback and a 1st-order back-end
stage with a 3-bit embedded quantizer for enhanced dynamic range. Many integrated
cascade ��Ms using this dual-quantization scheme can be found in the literature
[Nors97a, Rodr03].

Cascade ��Ms employing multi-bit quantization in all stages have been also
reported [Fuji00, Vleu01]. Note that, under ideal conditions, the quantization errors
of the first stages are cancelled out at the modulator output by the DCL. Multi-
bit quantization can be used in these stages for the main purpose of reducing the
corresponding quantization errors that will in practice leak to the output. Being that
the case, DEM techniques can be incorporated to the multi-bit DAC of the front-
end stage in order to achieve the required modulator linearity (if required), whereas
succeeding multi-bit stages often rely just in the in-band attenuation provided by
the preceding integrators [Vleu01]. Using multi-bit quantization in all stages of a
cascade ��M presents an additional appealing feature: the coupling factors between
stages can be increased in comparison to a 1-bit approach without overloading the
quantizers [Fuji00]. This way, the scaling factor d2N−3 that amplifies the last-stage
quantization error [see (2.34)] can be smaller than unity, leading to an improvement
of the global performance7.

Cascades using tri-level (1.5-bit) quantizers can also be found in litera-
ture [Dedi94] in order to reduce quantization errors in comparison with 1-bit
quantization—over 3-dB SNR improvement. Although tri-level coding is not in-
herently linear, it is often used in fully-differential SC ��Ms, since highly-linear
tri-level DACs can be easily implemented using just one extra switch [Reut02].

7 In [Fuji00], 4-bit quantization is used in all stages of a 2-1-1 cascade ��M. The resulting scaling
factor is d3 = 1/32, which leads to a 30-dB increase in DR in comparison to an ideal 4th-order 4-bit
��M.
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2.7 State of the Art in �� ADCs

Although �� converters were originally conceived for low-frequency, high-
resolution applications (like audio and precision measurement) in which they clearly
outperform other existing A/D conversion techniques, their use has progressively ex-
tended to medium- and high-frequency applications with the development of VLSI
technologies. Fig. 2.25 illustrates the state of the art in ADCs implemented in CMOS
processes reported up to year 2010 and places them in the ENOB-DOR plane, where
DOR = 2 BW stands for the digital output rate of the ADC (i.e., the Nyquist rate).
Data in Fig. 2.25 corresponding to CMOS Nyquist-rate ADCs has been taken from
[Murm10]. It can be noted that �� ADCs cover a wide frequency range, ranging
from 10 Hz to 50 MHz. Larger conversion bandwidths are still dominated by Nyquist-
rate ADCs, especially flash and folding. Oversampling techniques are less efficient
in these applications because of the excessive operation speed that is required in the
analog blocks. They however coexist with algorithmic, subranging and especially
pipeline converters in communication applications.

As discussed in previous sections, many different alternatives exist for the realiza-
tion of �� modulators. Fig. 2.26 looks closely at the reported ��Ms taking their
topologies into account. For comparison purposes, they have been classified into
three categories—single- and multi-bit single loops and cascades—distinguishing
between discrete-time (DT) and continuous-time (CT) implementations. Note from
Fig. 2.26 that, although the majority of reported ICs correspond to DT ��Ms,



2.7 State of the Art in �� ADCs 55

14

16

18

8

10

12

14

16

18

20

DOR (S/s)

E
N

O
B

 (
b

it
)

1E+01 1E+02 1E+03 1E+04 1E+05 1E+06 1E+07 1E+08

DT 1-bit single loops

CT cascades

DT cascades

CT 1-bit single loops

CT multi-bit single loops

DT multi-bit single loops

Fig. 2.26 State-of-the-art CMOS ��Ms in the ENOB-DOR plane

CT ��Ms almost reach up to 35%. DT implementations are clearly dominant
for high resolutions (> 16 bit), whereas CT ��Ms dominate for large band-
widths (DOR > 10 MS/s). Nevertheless, both types of implementations coexist for
large-bandwidth, medium-resolution (10–14 bit) applications.

The performance of ��Ms is globally quantified in terms of their main specifica-
tions (effective resolution, signal bandwidth and power consumption of the circuit)
through the following figures of merit (FoMs), respectively proposed by [Good96,
Rabi97],

FoM1|pJ/conv = Power(W)

2ENOB(bit)DOR(S/s)
1012 (2.35)

FoM2 = 2kT
3 · 22ENOB(bit)DOR(S/s)

Power(W)
(2.36)

where k is the Boltzmann constant and T is the temperature (measured in Kelvin, K).
Note that FoM1 emphasizes power consumption, whereas FoM2 stresses effective
resolution, represented by the ENOB. Therefore, the smaller the FoM1 value and
the larger the FoM2 value, the “better” the ��M is. For comparison purposes, the
aforementioned information is graphically illustrated in Figs. 2.27 and 2.28.
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2.8 Summary

The basic principles of �� modulation have been presented in this chapter. The
benefits of oversampling and noise shaping on the ADC performance have been
discussed and the generic scheme, ideal performance and metrics of �� converters
have been defined and compared with Nyquist ADCs.

Topological alternatives for the practical implementation of �� modulators have
been also presented, addressing the realization of stable high-order ��Ms by means
of optimized single loops or by cascading of low-order stages. The use of multi-bit in-
ternal quantization has also been presented as an alternative to enhance the modulator
effective resolution. Besides reducing quantization error, it provides better stability
properties to single-loop architectures, but jeopardizes linearity. Non-linearity error
in the multi-bit DAC due to component mismatching has been discussed, together
with techniques to palliate its impact on the modulator performance, such as DEM
and dual-quantization schemes.

The many design alternatives for the practical implementation of �� ADCs are
finally summarized in the state of the art of reported low-pass ICs.



Chapter 3
New �� Cascade Modulators for the Next
Generation of Wireless Telecom

THE MANDATORY USE OF LOW OSRs IN WIDEBAND STANDARDS has
forced ��Ms to achieve the required DRs by resorting to different strategies,
namely: high-order shaping—that can be implemented with high-order single-loop
��Ms or, alternatively, by cascading low-order stages—and multi-bit embedded
quantizers—that leads to the use of multi-bit DACs and DEM for medium-to-high
ENOB specifications. A different approach, fully compatible with the former strate-
gies, is based on the optimal spreading of notches within the signal band to increase
ENOB [Schr93].

This chapter presents a number of techniques for building efficient cascade archi-
tectures intended for wideband and multi-mode applications. The resulting cascade
��Ms can easily implement both reconfiguration strategies and parallel processing,
making them very appropriate for the A/D conversion of transceivers for SDR.

The chapter is divided as follows: Sect. 3.1 shows a number of techniques for
A/D conversion in SDR applications; namely, modulator order reconfiguration and
concurrency. It then goes on to describe previously reported cascade ��Ms that can
apply these techniques—such as a family of expandable cascades, unity-STF cascade
��Ms, the so-called sturdy MASH (SMASH) ��M and resonation-based cascade
��Ms. Sect. 3.2 combines all previous architectural strategies, giving rise to more
efficient modulators. The resulting topological advantages are discussed based on a
set of case studies for both wideband and multi-mode applications. However, a num-
ber of the proposed architectures suffer from timing issues as described in Sect. 3.3.
Nevertheless, the same section examines two reliable topologies that combine most of
the proposed architectural improvements while removing the corresponding timing
problems.

3.1 Strategies for Efficient Cascade ��Ms
in Multi-Mode Applications

This section first discusses two concepts; namely: architectural reconfiguration and
parallel processing strategies. Both ideas are very appropriate for an SDR scenario
and can be easily implemented in several kinds of cascade ��Ms. Then, an example

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 59
DOI 10.1007/978-1-4614-0037-0_3, © Springer Science+Business Media, LLC 2011
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of a cascade architecture capable of expanding its order is presented. This last
topology can implement the aforementioned ideas very efficiently. A number of the
previously reported concepts used to increase the performances of cascade ��Ms is
also shown. These improvements involve increasing the modulator resolution and its
operation signal bandwidth or reducing the requirements of the modulator building
blocks in order to diminish their power consumption.

3.1.1 Modulator Order Reconfiguration and Concurrency

The most commonly employed reconfiguration strategy at the architectural level
is to adapt the order of the loop filter in the modulator to the requirements of the
operation modes1 [Dezz03, Chri07, Morg07b, Bos10, Chri10, Morg10]. In general,
the modulator architecture needs to be modified for this purpose. A single-loop
modulator would require turning a number of its integrators on or off. The order of
the filter would therefore be modified, while the in-loop quantization and feedback
operations remain. Several switchable connections are probably needed in this case
to connect (or disconnect) the corresponding integrators. A structure with an order
potentially easier to reconfigure is the cascade architecture, because of its modular
structure. Let us consider, for instance, a 2-2 cascade whose stages outputs can
be processed separately. The output of the overall modulator can be obtained after
digital cancellation logic processing and provides a fourth-order shaping of the last-
stage quantization error, whereas the output of the first stage directly corresponds to
a second-order filtering. A cascade ��M is therefore by definition a system with
adjustable order. Furthermore, concurrency can easily be implemented in a cascade,
as will be described below, while this last feature would require a large amount of
additional circuitry in a single-loop ��M.

3.1.1.1 Expandable and Modulator Order Reconfiguration
for Cascade ��Ms

Expandable cascades can be defined as those cascade ��Ms the order of which
can be increased just by introducing more stages in the cascade. These kinds of cas-
cades are usually made up of low-order and unconditionally stable stages [Rebe97].
Figure 3.1 shows the block diagram of a generic cascade ��M made up of N stages.
The input of each stage is the quantization error of the previous stage, except for
the first stage. All stages are independently switchable, so they can be connected or
disconnected to the cascade as desired. The digital cancellation logic needs to be
adjusted according to the cascade order, L.

1 Note that the most used reconfiguration strategy consists of changing OSR [Rosa09]. To this
purpose, the sampling frequency is adjusted for a given bandwidth. This can therefore be considered
a circuit-level rather than an architectural-level reconfiguration strategy.
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A FIR filtering of the in-band quantization error is obtained for such systems, the
order being that of the filter; i.e., L is equal to the number of integrators connected
in the cascade ��M. If a stage is turned off, its building blocks can be powered
down to save power. Power is therefore traded by performance, as in conventional
��Ms but in a reconfigurable manner with adaptive L. More efficient multi-mode
solutions can also be obtained by combining the adjusting modulator order with
other reconfiguration strategies, such as the adaptation of the OSR. Chapters 4, 5
and 6 make use of this reconfiguration strategy at the architectural level, together
with others.

3.1.1.2 Concurrent ��Ms

Concurrency can be used to expand the functionality of multi-standard ��Ms by
allowing the parallel processing of N parallel input signals. In general, N ��Ms in
parallel are needed to implement this feature.

To achieve concurrency in single-loop ��Ms extra circuitry may have to be
included in the original modulator. In addition, the integrators might need to be
made switchable to enable their connection from one ��M to another of the N
parallel ��Ms. On the other, N embedded quantizers are required, while only one
is used for the original single-loop ��M. Therefore, not only do complex switchable
connections need to set up inside the loop but also extra circuitry is required for the
implementation of concurrent single-loop ��Ms.

Cascade ��Ms can be adapted to work in parallel more easily. In general, an N-
stage MASH ��M can reuse a maximum of N stages as concurrent ��Ms [Rosa09,
Silv09]. Figure 3.2 illustrates this concept by showing that an N-stage cascade ��M
can thus operate as a combination of cascades2 (made up of a number of stages in the

2 Note that the inputs of the stages can be either those coming from the concurrent input network
or those from the previous stage, so, eventually, a number of cascade ��Ms could be operating
concurrently as well.
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figure), or concurrent single-loop stages or both. Virtual switches are needed to select
each stage input (except for the first stage); either the inter-stage path coming from
previous input—thus enabling a cascade operation— or the corresponding input from
the concurrent network. In this last case, this stage operates as an independent single-
loop ��M. In practice, the virtual switches might be implemented as SC branches
at the input of the front-end integrator of each stage3. A number of control signals
are needed to enable the switches that correspond to the desired operation mode in
each case, either concurrent or cascaded. The digital cancellation logic processing
depends on the concurrent configuration and also on the number of stages working
as single-loop or part of a cascade [Silv09].

Note that Chap. 6 presents an expandable ��M that includes concurrency and
can process up to 3 modes in parallel.

3.1.2 Expandable Cascade ��Ms

Figure 3.3 shows the generic block diagram of the family of high-order cascades
proposed in [Mede03], henceforth called 2−1L−2 ��M. An Lth-order modulator is
formed with a second-order stage followed by L − 2 identical first-order stages. As
in all cascade ��Ms, the outputs of the L − 1 stages are combined and processed
in the digital domain through simple operators to cancel out the quantization noise
generated in each stage but the last. Linear analysis shows that the output of the
2 − 1L−2 ��M can be expressed in Z-domain as

Y(z) = z−LX(z) + 2(1 − z−1)LEN (z) (3.1)

where X(z) stands for the input signal, which is simply delayed, and EN(z) stands for
the last-stage quantization error, which is Lth-order shaped. Note that the cascade

3 Analog adders will also need these virtual switches for unity-STF ��Ms.
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Fig. 3.3 Lth-order expandable cascade ��M in [Mede03]

response equals that of an ideal Lth-order ��M, except for the scaling factor 2.
This factor derives from the inter-stage scaling of 1/2 required to avoid premature
overload when transmitting the signal from one stage to the next.

By integrating the error term in (3.1) over the signal band, the in-band quantization
error power is obtained as

PQ = 4σ 2
Q · π2L

(2L + 1)OSR2L+1
(3.2)

where σ 2
Q = �2/12 is the power associated with the quantization error in the last-

stage single-bit quantizer (� = 2Vref stands for its full scale). Note that 2 in (3.1)
means an amplification factor of 4 in the in-band quantization error power and, thus,
leads to a reduction of 6dB (1bit) in the dynamic range of the 2 − 1L−2 cascade in
comparison with an ideal Lth-order ��M.

The most appealing feature of this architecture—with the set of coefficients
proposed—is that, in theory, it can easily be set to any order, just by changing
the number of identical first-order stages while maintaining a correct operation4. As
shown in Fig. 3.4, the overload level of the expandable cascade does not change with
the order of the ��M.

4 However the presence of noise leakages prevents the use of very high orders [Rebe97, Rio06].
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The set of integrator coefficients depicted in Fig. 3.3 also presents the following
interesting features:

• The output swing required in all integrators does not exceed the quantizer full
scale. This very appealing feature for low-voltage implementations is illustrated
in Fig. 3.5 for a fifth-order cascade.

• The largest coefficient of each three-weight integrator can be obtained as the
summation of the others, so three-branch SC integrators are not required. By
properly sharing the SC input stages, all coefficients can be implemented with just
two-branch integrators, minimizing the total number of unit capacitors [Rio06].

• All first-order stages contain the same coefficients, allowing them to be electrically
identical. This considerably simplifies the electrical and physical implementation
of the modulator.
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A dual-quantization operation [Bran91, Dias93, Tan93] can easily be achieved in
the 2 − 1L−2 cascade ��M by including multi-bit quantization only in the last
stage, while the remaining quantizers in the modulator are single-bit. In this case,
the coefficients in the last-stage integrator can be multiplied by a factor of 2 in order
to have a loop gain of 1. This entails the multi-bit ADC and DAC produce the same
full scale, which considerably simplifies their designs.

If errors in the multi-bit DAC are considered in the linear analysis, the output of
the dual-quantization 2 − 1L−2 ��M can be obtained as

Y(z) = z−LX(z) + 2(1 − z−1)LEN (z) + 2(1 − z−1)(L−1)EDAC(z) (3.3)

where EDAC(z) stands for the Z-domain transform of the last-stage quantization error,
which is (L − 1)th-order shaped. Thus, provided that errors in the multi-bit DAC are
considerably high-pass filtered, its non-linearity can to some extent be tolerated with
no need for calibration/correction mechanisms.

The in-band quantization error power can be estimated as [Rio06]

PQ = 4σ 2
Q · π2L

(2L + 1)OSR2L+1
+ 4σ 2

DAC · π2(L−1)

(2L − 1)OSR2L−1

with

σ 2
Q = 1

12
·
(

�

2B − 1

)2

, σ 2
DAC

∼= 1

2
· �2 ·

(
INL

100

)2

(3.4)

where σ 2
Q is the power of the last-stage quantization error (� = 2Vref stands for the

multi-bit quantizer full scale, FS, and B for its resolution) and σ 2
DAC is the power

associated with the DAC errors, with INL being the DAC integral non-linearity
expressed in %FS.

3.1.3 Unity-STF Cascade Architectures

Over the last few years, unity-STF cascades have proven to be very suitable for
wideband and multi-mode applications [Gagg04, Nam05, Chri07, Chri10, Morg10].
This section deals with the architectural implementation of these kinds of topologies.

3.1.3.1 Single-Loop Unity-STF ��Ms

Figure 3.6 shows a second-order single-loop ��M that makes use of analog feed-
forward paths to implement unity STF [Bena93, Silv01, Silv04a]. Using a linear
model for the internal B-bit quantizer, the Z-transform of the modulator output, Y (z),
is the following:

Y(z) = STF(z)X(z) + NTF(z)E(z) (3.5)
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Fig. 3.6 Second-order
single-loop ��M with unity
STF [Silv01]
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where X(z) and E(z) are the Z-transform of the input and the quantization error,
respectively, while STF(z) and NTF(z) are given by:

STF(z) = 1

NTF(z) = (1 − z−1)
2

(3.6)

One of the most remarkable advantages of the modulator in Fig. 3.6 is that, at least
ideally, there is no input signal trace processed by the integrators. This is easy to
demonstrate by obtaining the Z-transform of the integrator inputs, X1(z) and X2(z),
given by:

X1(z) = −(1 − z−1)2 · E(z)

X2(z) = z−1 · (1 − z−1)2 · E(z)
(3.7)

The combined used of feed-forward paths—giving rise to unity STF—, together
with multi-bit internal quantizers, therefore make the architecture in Fig. 3.6 very
suitable for low output swing requirements, reduced sensitivity to amplifier non-
linearities and high overload levels [Bena93, Silv01, Silv04a, Yao06]. Moreover, the
use of scaling on the integrator coefficients helps to reduce the opamp output swing
requirements further on [Gupt02, Schr05b]. This procedure is detailed below step
by step.

3.1.3.2 Generic Coefficients for Single-Loop Unity-STF ��Ms

Figure 3.6 depicts a second-order ��M with unity STF. Let us assume that a coef-
ficient c2 is included at the input of the second integrator, as shown in Fig. 3.7a. A
feed-forward factor a2 = 1/c2 is therefore needed to compensate for this architec-
tural modification in order to keep STF and NTF in (3.6) unmodified. In addition to
this second-integrator scaling factor, c1 is also included at the first integrator input as
shown in Fig. 3.7b, the resulting feed-forward coefficients thus being the following
[Silv04a]:

a1 = 2

c1
a2 = 1

c1 · c2
(3.8)

3.1.3.3 Cascade Unity-STF ��Ms

The underlying principles in the block diagram depicted in Fig. 3.6—and Fig. 3.7b
when considering integrator scaled coefficients— can be extended to cascade ��Ms
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[Silv01, Silv04a]. Ideally, the quantization error can be extracted directly from node
I1(z) as −z−2 · E(z) [Silv04a]. Thus, a cascade that uses node I1(z) as the only
inter-stage path will need to include a 2-delay digital block in the cancellation logic
(z−2) to compensate for this. Figure 3.8 illustrates a 2-2 cascade based on analog
feed-forward paths that implement unity STF [Goth02, Silv04b, Nam05, Chri07,
Morg07b, Morg10]. This figure also includes generic coefficients used to reduce the
opamp output swing requirements. Following the procedure illustrated above—see
the extraction of (3.8), the relation between all the coefficients for each stage is
provided by

a1 = 2

c1
a2 = 1

c1 · c2
a3 = 2

c3
a4 = 1

c3 · c4
(3.9)
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and the resulting STF and NTF are:

STF(z) = 1
NTF(z) = (1−z−1)4/d

(3.10)

The inter-stage coefficient d thus modifies the in-band quantization error power.
However, excessively increasing its value can lead to an overloading of the next
stage. In other words, large values of d mean high output swing requirements for the
last-stage opamps.

3.1.3.4 Expandable Unity-STF ��Ms with Generic Coefficients

The cascade ��M in Fig. 3.8 can be expanded to increase its order. Fig. 3.9 shows the
schematic of an expandable unity-STF ��M architecture. It consists of an extension
of the architecture in Fig. 3.8 produced by incorporating second-order stages until
the desired order, L, is obtained. There is therefore an Lth-order shaping of the
quantization error. In practice, however, the order is limited due to noise leakages
coming from the mismatches between the analog circuitry in the front-end stages
and the circuitry of the digital cancellation logic (see Sect. 2.5). Nevertheless, the
extra robustness of these kinds of topologies against building block non-idealities
and non-linearities makes unity-STF topologies better suited for larger values of L
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when compared with conventional expandable cascade ��Ms such as, for example,
that in Fig. 3.3. Note from Fig. 3.9 that the inter-stage path of each stage is taken from
node I i (z) of the previous stage. The unity STF is preserved and the NTF provides
a FIR filtering corresponding to the modulator order as follows:

STF(z) = 1

NTF(z) = (1−z−1)L/dN
(3.11)

The in-loop coefficients in Fig. 3.9 consider a scaling of the integrator coefficients.
Following the above-mentioned procedure to extract the relation between all co-
efficients in each stage of the cascade, the resulting in-loop coefficients are given
as

a2i−1 = 2

c2i−1
; a2i = 1

c2i−1 · c2i
; i = 1, 2, . . .

L

2
(3.12)

3.1.4 Previously Reported Resonation-Based ��Ms

Resonation might be a good alternative for increasing modulator resolution when
the order cannot be increased mainly due either to stability problems for single-loop
��Ms or to the influence of quantization noise leakages coming from the front-
end stages in cascade ��Ms. Resonation is also a good approach for overcoming
the problems of multi-bit quantizers, such as the implementation of complex DEM
structures. In addition, resonation is specially beneficial for limited values of OSR
because then the aforementioned strategies lose effectiveness.

This section reviews two reported approaches to implement resonation; namely,
local and global. The former has been widely used for single-loop ��Ms [Schr05b]
and can also be implemented in cascade ��Ms [Yuan05, Chri07]. Global resonation,
on the contrary, has only been conceptually described in [Sanc06].

3.1.4.1 Local Resonation

One efficient way to increase the modulator resolution without penalizing the number
of integrators consists of including resonators inside the modulator loop filter. This so-
called local resonation technique has been used in ��Ms considering either single-
loop [Mark04] or cascade topologies [Yuan05]. This section presents a review of
previously reported single-loop 2nd-order USTF ��Ms that incorporate resonation.
If larger orders were considered, stability would have become a major issue. In
addition, resonators can be implemented in ��Ms with STFs different from 1, but
therefore losing the appealing features of USTF ��M.

Resonation allows the zeros of the NTF to be shifted from DC to an arbitrary
frequency, thus allowing them to be to distributed in such a manner that the in-
band quantization error can be minimized [Schr93]. The conventional second-order
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Table 3.1 Scaling on
feed-forward and resonation
coefficients

Feed-forward coefficients Resonation coefficients

a1 = b

c1
= (2 − g)

c1
r1 = g

c1

a2 = a

c1 · c2
= (1 − g)

c1 · c2
r2 = g

c1 · c2

high-pass filtering in NTF—see (3.6)—is now replaced by an NTF with notches as
follows:

NTF(z) = z−2 − (2 − g) · z−1 + 1 (3.13)

Two different architectures are proposed in [Mark04] to implement this NTF. One of
them makes use of backward Euler (BE) integrators, while the other does not need
them and only uses forward Euler (FE) integrators. The block diagrams of both ap-
proaches are depicted in Fig. 3.10a and b, respectively. However, the solution given
in Fig. 3.10b needs more coefficients to implement resonation as shown in the figure.
The resonation coefficient relations are also included in Fig. 3.10. Figure 3.10c illus-
trates the use of scaling factors over the integrators of the architecture in Fig. 3.10b.
The resulting in-loop coefficients, after this architectural modification, are shown in
Table 3.1

Let us decompose the NTF given by (3.13) as

NTF(z) = z−2 − (2 − g) · z−1 + 1 = (1 − z−1)2 + g · z−1 (3.14)
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where the term (g · z−1) is incorporated to a second-order FIR filtering. This is
equivalent to add g · z−1 · E(z) directly to the modulator output. The same paths
in which the input signal is provided (first-integrator input and analog adder) are
used to give the above-mentioned term, exploiting thus the unity-STF feature of the
architecture in Fig. 3.10b. To this purpose, the delayed version of the quantization
error, E(z), is extracted in the scheme in Fig. 3.10b from the sum X2(z) + I1(z) and
later provided to the first-integrator input and analog adder.

In the case of cascade architectures, only the last stage normally uses resonation
in order to reduce the complexity of the digital cancellation logic [Sanc06]. As an
illustration, Fig. 3.11 shows a cascade with local resonation in the back-end stage.
This topology, originally presented in [Yuan05], takes advantage of the unity STF in
the two stages, thus obtaining relaxed output swing requirements.

3.1.4.2 Global or Inter-Stage Resonation

In [Sanc06], a new kind of resonation strategy, named global or inter-stage resonation,
is applied to cascade ��Ms. This approach, illustrated in Fig. 3.12 for a fourth-order
cascade architecture, is obtained by feeding back a scaled version of the 2nd-stage
quantization error to the input of the 1st-stage quantizer. In other words, global
resonation is based on the partial processing of the quantization error of one stage
in a previous stage, so there is an additional resonation term in the NTF. However,
this technique cannot be applied to single-loop ��Ms because, in this case, there is
only one loop and therefore only one quantization error.

In both cases, either using local resonation in the last stage of the modulator (see
Fig. 3.11) or global resonation in the overall cascade, the NTF becomes:

NTF(z) = −(1 − z−1)
2 · [1 − (2 − g) · z−1 + z−2]

d
(3.15)
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where d stands for the inter-stage gain. Note that the zeros of NTF are a function of
g, which can be optimally chosen to maximize the SNR. Indeed, practical cases may
lead to a resolution increase of up to 11dB (see Appendix A) [Hamo06]. Another
conclusion deriving from (3.15) is that increasing d—to reduce the quantization
noise—yields a reduction of the feedback coefficient a (see Fig. 3.12). In practice,
this results in a smaller capacitor ratio, which makes the electrical implementation
more difficult and prone to circuit non-idealities.

Most of previously reported resonation-based ��Ms, like those shown in
Fig. 3.11 and 3.12, make use of BE or non-delayed integrators, which increase the
speed requirements of the amplifiers used [Schr05a]. By contrast, Sect. 3.2.1 pro-
poses architectures that use both local and global resonation strategies and include
loop-filters based only on FE integrators, which are more suitable for implementing
wideband ADCs than previous reported topologies.

3.1.5 SMASH Architectures

Since OSR must be restricted to low values in wideband applications, a usual design
choice to achieve the required DR is to employ MASH architectures with multi-
bit quantization. In general, these �� topologies circumvent stability problems
related to high-order loops, but are sensitive to quantization noise leakages caused
by mismatches between the analog and digital signal processing in the cascade ��M
(see Sect. 2.5). MASH modulators therefore usually require integrators with higher
accuracy than their single-loop counterparts for limiting noise leakage effects and
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this increases power consumption in the amplifiers and, consequently, also in the
overall ��M.

An alternative �� architecture that reduces sensitivity to noise leakages of
conventional MASH structures is the so-called SMASH modulator, presented in
[Magh06]. The main idea behind this family of novel cascades consists of replacing
the digital cancellation logic by the own analog processing provided by the ��M
integrators together with an additional inter-stage digital feedback path. Figure 3.13a
illustrates the underlying concept behind SMASH ��Ms [Bena95, Magh06]. Two
processing paths are considered for each stage; namely, one for the STF (Lsi) and
another for the NTF (Lni) of each stage, i. The figure shows how a digital feed-
back adder is used to obtain the model illustrated in Fig. 3.13b. The ��M output is
therefore given by [Magh06]:

Y(z) = STF1 · X(z) + NTF1 · (1 − STF2) · E1(z) − NTF1 · NTF2 · E2(z) (3.16)

where NTFi and STFi stand for the NTF and STF of the stage i in the cascade ��M,
respectively.

Note that the resulting STF is given by that of the first stage. The NTF correspond-
ing to E2(z) is similar to that given by a conventional MASH architecture. However,
there is an extra term in the NTF multiplying E1(z). In fact, the first-stage quantiza-
tion error is filtered not only by NTF1 but also by (1 − STF2). Fig. 3.14 illustrates
the case of a 2-2 cascade with STF2 = 2 · z−1 − z−2 as proposed by [Magh06]. Here,
a 4th-order NTF high-pass filtering is obtained for both E1(z) and E2(z). The digital
cancellation logic, required in traditional MASH modulators to properly combine
the stage outputs, is replaced by direct feedback paths from the output of the second
stage to the input of the first. The former inter-stage feedback paths are marked with
⊗ in Fig. 3.14 for clarity. The ��M output can thus be obtained from the direct
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digital subtraction of the two stages outputs, resulting in:

Y(z) = z−2X(z) + (1 − z−1)4E1(z) − (1 − z−1)4E2(z) (3.17)

where X(z) represents the input signal while E1(z) and E2(z) stand for the quanti-
zation errors in the first and second stage, respectively. Note that, as stated before,
both quantization errors are fourth-order shaped thanks exclusively to analog filter-
ing, with no need for digital filtering at the stage outputs. Like that in [Bena96],
the topology in [Magh06] eliminates the matching between analog and digital filter-
ing required in traditional MASH ��Ms. Nevertheless, two additional DACs are
needed, marked with ⊗ in Fig. 3.14.

3.2 Novel Cascade Architectures Based on Previous Strategies

This section provides a number of combinations of previous strategies to obtain
efficient cascade ��Ms. Unity-STF, resonation-based and SMASH structures are
therefore combined. The objective is to obtain architectures capable of drawing
the advantages of the former concepts. These topologies will be presented together
with some case studies and architectural comparisons in terms of performance.
On the one hand, these case studies will help to show how suitable these com-
bined architectures are for wideband and multi-standard applications. On the other,
the performance comparisons—also denoted as case studies—will cover the pre-
sented architectures and previously shown cascades, such as those in Fig. 3.85,

5 This architecture will employ in-loop coefficients {c1, c2, a1, a2, c3, c4, a3, a4} = {1, 1, 2, 1, 1,

1, 2, 1} in the modulator. Therefore, there will not be any scaling of the integrators coefficients in
the 2-2 cascade made of USTF stages for the architectural comparisons under consideration.
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Fig. 3.15 Proposed (I) cascade ��M with local resonator

3.12, 3.14 or a conventional cascade ��M. All the presented case studies and
architectural comparisons are based on behavioral simulations. The simulation
tool employed is SIMSIDES [Ruiz05], a SIMULINK-based time-domain simula-
tor for ��Ms that includes accurate behavioral models for thermal noise, integrator
defective settling, distortion, etc. This tool makes extensive use of compiled C-
coded functions to speed simulations up. Novel models have been developed when
needed.

3.2.1 Proposed Resonation-Based Architectures

This section shows the adaptation of previously reported resonation-based architec-
tures (see Sect. 3.1.4) to a ��M architecture with unity-STF stages (see Sect. 3.1.3).
The resulting topologies inherit the architectural advantages of the previous ones;
namely, larger SNR due to resonation and low requirements for the opamp output
swings due to the unity-STF stages. However, their disadvantages (such as imple-
mentation of analog adders, demanding timing requirements and use of extra in-loop
coefficients to perform resonation) also extend to the resulting topologies.

3.2.1.1 Local Resonation in Cascade ��Ms

Figure 3.15 shows the block diagram of a fourth-order 2-2 USTF cascade ��M
with local resonation in the last stage. This topology does not need non-delayed or
BE integrators to perform the resonation. The drawback is that additional analog
coefficients and an extra feedback path are needed in the last stage, unlike resonators
based on BE integrators. Note that this ��M is based on the one depicted in Fig. 3.11



76 3 New �� Cascade Modulators for the Next Generation of Wireless Telecom

+ +

–

–

+ +
+ +

X
+
–

+

Digital
cancellation
logic

I1

2

2
+

d

DAC

DAC

+–

DAC

a

Q1

I2X4

+

–

–

z –1

a = g / d

Σ

Σ Σ

Σ

Σ

Σ

ΣH(z) H(z)

H(z) H(z)

H(z) = –––––z –1

1 – z –1

E1

B2

Y2

Y

E2

Y1
B1

(1-z –1)21/d
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but with two improvements. First, the resonator of this architecture is based on that
depicted in Fig. 3.10b [Mark04], so only FE integrators are required. Second, only
one inter-stage path—rather than two, as in Fig. 3.11— is needed to feed the first-stage
quantization error to the input of the second stage.

3.2.1.2 ��M Architectures Based on Global Resonation

Figure 3.16 shows a 2-2 cascade ��M that uses unity-STF stages, while resonating
through two feedback paths from the last stage to the previous stage; i.e., using global
resonation. Since FE integrators are used to implement this kind of resonation, an
additional analog delay—that can be implemented by a proper clock-phase scheme
and by adding two extra SC branches as described in [Koh05] and [Kana06]—is
required, when compared to the architecture in Fig. 3.12. To sum up, the resonation
operation needs the quantization error of the second stage E2(z) to be multiplied by
a resonation factor a = g/d and then delayed and subtracted in the first-stage analog
adder.

Let us study the contribution of E2(z) to the overall NTF of the modulator, as-
suming that E1(z) and E2(z) are linear errors. The node where E2(z), delayed and
multiplied by the resonation factor a, is introduced (Q1(z) in Fig. 3.16) is the same in
which E1(z) is provided. Its transfer function to the ��M output, Y,—i.e., the NTF
of the first stage in the cascade ��M—is therefore equal to (1 − z−1)2. The global
resonation operation contributes to Y as

g/d · z−1 · (1 − z−1)2 · E2(z) (3.18)

On the contrary, the trace of E2(z) coming from the output of the second stage, Y2,
after being processed by the digital cancellation logic, is

1/d · (1 − z−1)4 · E2(z) (3.19)
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Fig. 3.17 Proposed (III) cascade with global resonation topology

The addition of both terms (3.18) and (3.19) gives the following contribution of E2(z)
to the overall NTF of the architecture in Fig. 3.16:

[
1/d · (1 − z−1)4 + g/d · z−1 · (1 − z−1)2

] · E2(z)

= 1/d · (1 − z−1)2 · [
(1 − z−1)2 + g · z−1

] · E2(z)
(3.20)

This is the desired NTF of the ��M with two zeros in optimum locations in the unit
circle. Note that there is no trace of the first-stage quantization error because E1(z)
is removed in the digital cancellation logic of the cascade. The idea of processing
a delayed version of the quantization error is similar to that employed in the local
resonation in Fig. 3.10b, the only difference being the second-order analog filtering
performed by the first-stage loop.

There is a more efficient way to perform the global resonation with unity-STF
stages, that removes the need for the extra analog delay. An analysis of the scheme
in Fig. 3.16 in Z-domain shows that the input and the output of the second integrator
in the last-stage are respectively given by:

X4(z) = −z−1 · (1 − z−1) · E2(z)

I2(z) = −z−2 · E2(z)
(3.21)

The delayed quantization error of the last stage can therefore be directly obtained as:

X4(z) + I2(z) = −z−1 · E2(z) (3.22)

This modification has been incorporated to Fig. 3.16, resulting in the architecture
depicted in Fig. 3.17. Note that the sum X4(z) + I2(z) is already done at the input of
the first-stage quantizer. Contrary to the modulator in Fig. 3.12, there is therefore no
need for an extra addition. Besides avoiding the use of an additional delay, the ��M
in Fig. 3.17 requires only one analog coefficient (g) to implement the resonation,
instead of three coefficients [g, (1 − g) and (2 − g)] as in Fig. 3.15. Also, only
FE integrators are used, which simplifies the electrical implementation and reduces
sensitivity to circuit non-idealities.
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Fig. 3.18 Modulator
spectrum with resonation
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Note that the architectures in Fig. 3.16 and 3.17 employ two paths to extract
E1(z) and give it to the back-end stage. It would have been more efficient to use one
path only for this inter-stage connection as done, for example, in the USTF cascade
that implements local resonation in Fig. 3.15. However, this is not possible for
the architectures in Fig. 3.16 and 3.17, because the inter-stage feedback operation
modifies I1(z). The signal at this node can be obtained as −z−2 · E1(z) for the
architectures in Fig. 3.8 or 3.15, while it becomes I1(z) = −z−2 · [E1(z) + g · z−1 ·
E2(z)] when global resonation is implemented in a cascade ��M together with
USTF stages (see Fig. 3.16 and 3.17). There is therefore an extra trace of E2(z) that
prevents the use of I1(z) as the input of the second stage in USTF architectures with
inter-stage feedback paths.

In order to compare the performance of the proposed ��M architectures in
Fig. 3.15 and 3.17—proposed (I) and (III), several behavioral simulations have
been performed using SIMSIDES [Ruiz05]. First, the two architectures are stud-
ied in a wideband scenario, considering oversampling ratios of 16 and of 4. Second,
the architecture in Fig. 3.17 that uses global resonation is studied in a multi-mode
scenario.

3.2.1.3 Case Study 1: Application of the Proposed Architectures to a
Wideband Scenario (OSR = 16)

In this case, all topologies under study operate with an OSR of 16, 4-bit internal
quantizers, an inter-stage gain (d) of 1 and a 1-V reference voltage. As an illustration,
Fig. 3.18 shows the effect of resonation on the output spectrum of the topologies
proposed in Fig. 3.15 and 3.176. Note that the resulting spectrum is the same for
both architectures, because the shift of the NTF zeros is identical with both local
and global resonation techniques. The optimal feedback coefficient that causes the

6 Note that thermal noise is not included in the simulation model for this case.



3.2 Novel Cascade Architectures Based on Previous Strategies 79

Fig. 3.19 SNDR versus input
amplitude
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resonation in the topology depicted in Fig. 3.17 is g = 0.027, resulting in a shift
of two zeros of the NTF from 0 to 0.9865 ± j · 0.1638 and a minimization of the
in-band quantization noise. This is better illustrated in Fig. 3.19 where the SNR is
represented versus the input amplitude. In this example, the peak SNR of the proposed
architectures is 11dB larger within the whole input range than that obtained by the
2-2 cascade made up of USTF stages in Fig. 3.8 (USTF-USTF). This increase of the
SNDR is due to the use of resonation.

Another advantage of the proposed architectures comes from the use of unity STFs
with the subsequent reduction of the amplifiers output swings. This is illustrated in
Fig. 3.20 by plotting the histograms of the integrator outputs in the proposed architec-
tures and in previously reported topologies. A conventional cascade 2-2 architecture
is also included in the comparison for completeness. Note that the integrator output
swings of the proposed ��Ms (lower than 0.15 V for all integrators) are similar to
those of the scheme in Fig. 3.8 (USTF-USTF). However, they are lower than the ones
in the ��M in Fig. 3.12 (global resonation architecture by [Sanc06]). This improves
the linearity of the proposed architectures, as compared to the one in Fig. 3.12. The
linearity of the aforementioned architectures will be compared below.

SIMSIDES allows the inclusion of opamp gain non-linearities with a fourth-order
polynomial equation defined as

Avnl = ADC · (1 − Avnl1 · vo − Avnl2 · v2
o − Avnl3 · v3

o − Avnl4 · v4
o) (3.23)

where Avnl is the opamp gain, ADC is the DC gain in the quiescent point, vo is the
opamp output voltage and Avnli are the non-linear gain coefficients [Ruiz05]. For all
the behavioral simulations in this chapter, only a second-order non-linearity will be
considered, so the opamp gain can be re-defined as follows

Avnl = ADC · (
1 − Avnl2 · v2

o

)
(3.24)

assuming the use of fully differential circuitry in the practical implementation.
Fig. 3.21 illustrates the variation of the gain with the opamp output voltage for
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Fig. 3.20 Output swing requirements for the amplifiers of: a conventional 2-2 MASH architec-
ture, b global resonation structure in Fig. 3.12 [Sanc06], c USTF-USTF in Fig. 3.8 [Nam05],
d proposed topology (I) in Fig. 3.15, e proposed topology (III) in Fig. 3.17

different values of the above-mentioned non-linearity factor. Note that the larger the
opamp output swing, the greater the degradation of the opamp gain for a given Avnl2.

Fig. 3.22 plots the effect of opamp gain non-linearity on the modulators SNDR,
based on the approximation given in (3.24). In this simulation, a finite DC gain of
55dB is considered for all the amplifiers, while the gain second-order non-linearity
for the first-stage amplifiers is varied. The results of these simulations are summarized
in Table 3.2, which shows the value of Avnl2 that causes the SNDR to fall by 3dB.
Note that the robustness of the proposed architectures to non-linearities is similar
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Fig. 3.22 Impact of amplifier
gain non-linearities on the
modulator SNDR (input level
of –6dBFS)
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to that of the cascade USTF-USTF shown in Fig. 3.8. Furthermore, the proposed
��Ms achieve larger effective resolution through the action of resonation. Note
that cascades based on USTF have better linearity performance when compared with
conventional cascade architectures.
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Table 3.2 Maximum
2nd-order non-linearity for a
3-dB drop in SNDR

Topology Avnl2(V−2)

Proposed (I) 40.0
Proposed (III) 35.0
USTF-USTF 50.0
Conventional MASH 0.1
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Fig. 3.23 Output modulator spectrum: a with resonation [proposed cascades (I) and (III)], b without
resonation (conventional 2-2 MASH).

3.2.1.4 Case Study 2: Application of the Proposed Architectures
to a Wideband Scenario (OSR = 4)

All topologies in this section operate with 4-bit internal quantizers, an inter-stage
gain (d) of 1, a 1-V reference voltage and a very much reduced OSR of 4. All the
following simulations also include kT/C noise sampled at a clock rate of 160 MHz
by 0.25-pF capacitors at the front-end integrator. The embedded DACs are assumed
to be linear.

As an illustration, Fig. 3.23 compares the effect of resonation on the output spec-
trum of the proposed topologies (Fig. 3.15 and 3.17) to that of a conventional 2-2
cascade, for an input level of -6dBFS. Note that, thanks to resonation, a notch—
clearly visible in Fig. 3.23a—is produced in the proposed topologies close to the
upper limit of the signal band.

The optimal resonation coefficient for the topologies in Fig. 3.15 and 3.17 (im-
plementing local and global resonation, respectively) is, after rounding, g = 0.4 for
an OSR of 4, resulting in a shift of two zeros of NTF from 0 to 0.8 ± j · 0.6. Because
of this distribution of the NTF zeros, in-band quantization error is considerably re-
duced. This is illustrated in Fig. 3.24, where the modulator SNR is represented versus
the input amplitude. In this case, resonation increases the resolution of the proposed
architectures by roughly 10.5 dB within the whole input range as compared to a
conventional cascade.
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Fig. 3.24 SNDR versus input
amplitude
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Table 3.3 Modulator
specifications in case study 3

Standard GSM UMTS WiMAX WLAN

SNDR (bit) 14 12 8 10
BW (MHz) 0.2 4 20 20

Table 3.4 Architectural parameters of the proposed modulator

Standard GSM UMTS WiMAX WLAN

Modulator order (L) 2 4
Inter-stage gain (d) — 4
Resonation coefficient (g) 0 (No resonation) 0.4
Resonation coefficient (g/d) 0 (No resonation) 0.1
OSR 100 10 4
Sampling frequency ( f s) 40 MHz 80 MHz 160 MHz

3.2.1.5 Case Study 3: Application of the Proposed Architectures
to a Multi-Mode Scenario

This section presents a case study that considers the specifications and standards
listed in Table 3.3 in order to show the reconfiguration architectural capabilities of
the 2-2 cascade ��M in Fig. 3.17 combining USTF with inter-stage resonation. Four
standards are considered (GMS, UMTS, WiMAX and WLAN), covering resolutions
that range from 8bits to 14bits and bandwidths from 200 kHz to 20 MHz.

Table 3.4 shows the values of the modulator design parameters reconfigured for the
different operation modes, namely: NTF order (L), coefficient for global resonation
(g/d) and OSR. In all operation modes, 4-bit internal quantizers and a 1-V reference
voltage are considered. Also, kT/C noise, sampled by 0.25-pF sampling capacitors,
is contemplated for the front-end integrator in all simulations. The embedded DACs
are assumed to be linear, although in practice DEM might be required, at least in the
first stage of the cascade. Note that different OSRs and sampling frequencies (f s)
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Fig. 3.25 Modulator output spectra for the different modes: a GSM, b UMTS, c WiMAX, d WLAN
(−6-dBFS input level, 64k-point FFTs)

are employed to cope with the required resolution of each signal bandwidth in the
different standards. The feedback paths in Fig. 3.17 that provide the last-stage error
to the first stage are disconnected in those operation modes in which no resonation
is used (GSM, UMTS and WiMAX). Also, only the first stage is working in GSM
mode, whereas all the integrators and comparators of the second stage could be in
practice turned off. Global resonation is used only in WLAN mode. In this case, the
resonation coefficient g/d is 0.1, resulting in a shift of two zeros of the NTF from 0
to 0.8 ± j · 0.6. Thanks to this distribution of the NTF zeros and to the employment
of an inter-stage scaling d = 4, in-band quantization error is considerably reduced,
as stated above.

Figure 3.25 shows the modulator output spectra for all the operation modes. In
GSM [see Fig. 3.25a], the in-band error is dominated by thermal noise, whereas in
UMTS [see Fig. 3.25b] is not well defined between thermal and quantization noise.
The effect of resonation is clearly visible by comparing Fig. 3.25c and d, corre-
sponding to WiMAX and WLAN, respectively. This is illustrated in Fig. 3.26 where
the SNR is represented versus the input signal amplitude. Note that the effective
resolution for WLAN is approximately 9dB larger than that for WiMAX, thanks to
resonation.

Sensitivity to noise leakages due to capacitor mismatch has been studied on the
basis of Monte Carlo simulations. Figure 3.27 shows the modulator ENOB for a
–6-dBFS input signal obtained for a 50-run Monte Carlo simulation considering a
standard deviation of 0.1% in all capacitor values. The average [m (bits)] and standard
deviation (σ ) of the resulting ENOBs are also shown for each operation mode. Note
that the use of resonation in the WLAN mode leads to no appreciable performance
degradation in comparison with other operation modes.
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Fig. 3.26 SNR curves of the proposed architecture with parameters in Table 3.4
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Fig. 3.27 Variation of the modulator ENOB considering a 0.1% capacitor mismatch (−6-dBFS
input level, 50-run Monte Carlo simulation)

Figure 3.28 shows the effect of the amplifiers finite DC gain on the modulator
SNR for all operation modes. Note that the impact of the amplifier gain on the ��M
performance is considerably lower in GSM than in other standards. This is due to the
topology used for the ��M in the former case (single-loop), which does not present
the sensitivity to noise leakages that is inherent to cascade topologies (used in the
remaining standards). In the case of UMTS and WiMAX, there is no appreciable
degradation for amplifier DC gains above 40dB, thanks to the robustness of cascade
��Ms made up of USTF. This value rises to 50dB for WLAN due to the SNR
increase provided by global resonation. Note that in practice this value of opamp
gain is still not a demanding requirement.

One prominent advantage that comes from the use of unity STFs is the subsequent
reduction of the amplifier output swing. This is illustrated in Fig. 3.29 by plotting
the histogram of the integrator outputs obtained from the operation of the proposed
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Fig. 3.29 Output swing
requirements of the amplifiers
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modulator (see Fig. 3.17) in all operation modes. Note that the required output swing
is only ± 0.15 V for the first and third operational amplifiers (OA1 and OA3), whereas
it drops to ± 0.10 V for the second and fourth (OA2 and OA4), producing an excellent
linearity behavior in the proposed architecture.

This is illustrated in Fig. 3.30 by plotting the effect of the opamp gain non-
linearity on the modulator SNDR. In this simulation, a finite gain of 55dB is consid-
ered for all amplifiers, while varying the second-order non-linearity of the amplifier
gain in the first-stage amplifiers. Note that the robustness of the proposed ��M to
non-linearities is high, even if resonation is used to increase the effective modulator
resolution.

3.2.2 Novel Unity-STF SMASH-Based Architecture

This section presents a novel topology of �� cascade intended for high-speed and
low-voltage applications, extending the underlying principle of SMASH structures
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Fig. 3.30 SNDR versus
non-linearity of the amplifier
gain (−6-dBFS input level,
55-dB amplifier gain)
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to the implementation of unity STFs. In recent years, the implementation of ��Ms
with unity STF has demonstrated to be an excellent way of reducing the impact of
circuit non-linearities on the modulator performance, especially when considering
low OSRs in a low-voltage scenario. Several �� topologies have been reported
that apply this technique to either second-order ��Ms [Bena96, Silv01, Silv04a,
Kwon04, Gagg04] or to every stage of cascades ��Ms [Nam05, Chri07, Morg10].
Unfortunately, the disadvantages associated with cascades that apply the former
concepts (SMASH and USTF) are also inherited by this topology. For example,
SMASH forces the use of either extra DACs or a digital adder, and analog adders
are required for the USTF implementation.

3.2.2.1 Modulator Architecture

The performance of SMASH architectures, generically shown in Fig. 3.13, can be
improved by using USTF in the cascade stages. Note from (3.16) that the contribution
of the first-stage quantization error E1(z) to the overall modulator output can ideally
be cancelled if STF2 = 1. This strategy therefore provides similar quantization noise
shaping to that of a conventional MASH ��M. Furthermore, the robustness to noise
leakages of SMASH topologies is still present, as will be verified later by a set of
behavioral simulations and the implementation of unity STFs allows the reduction
of output swing and gain of the amplifiers, what constitutes an appealing feature for
low-voltage implementations.

Figure 3.31 illustrates an extension of the 2-2 SMASH ��M in Fig. 3.14 to unity
STFs [Silv01]. If multi-bit quantization is used in the stages, a scaling factor d > 1
can be implemented to accommodate the inter-stage gain. This factor is compensated
in the analog feedback paths from the second stage to the first; i.e., before the digital
subtraction of the stage outputs. The output of the modulator in Fig. 3.31 is thus

Y(z) = X(z) − 1/d(1 − z−1)4E2(z) (3.25)

where the overall STF equals unity and E1(z) is cancelled—contrary to (3.17), while
avoiding any filtering in digital domain. Note also from (3.25) that using a scaling
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Fig. 3.31 Extensions of the 2-2 SMASH modulator in [Magh06] to unity STFs and inter-stage gain
scaling

factor d will help to reduce the power of the second-stage quantization error at the
modulator output. If the value of the scaling factor is a power of 2, it will only
require a shift register before the in-loop digital subtraction that implements part
of the SMASH operation. This scaling strategy cannot be directly applied to the
SMASH ��M in Fig. 3.14 [Magh06], since in this case (3.17) transforms into

Y(z) = z−2X(z) + (1 − z−1)4E1(z) − 1/d(1 − z−1)4E2(z) (3.26)

in which a larger d therefore reduces the power of the second-stage quantization
error at the output but not that of the first stage.

Although improving the performance of the 2-2 cascade in Fig. 3.14, the ��M
illustrated in Fig. 3.31 still suffers from several drawbacks associated with the direct
feedback path from the second-stage output to the first stage, namely:

• It requires, at least, an extra highly linear DAC in the added feedback path to the
first-stage input.

• It is very sensitive to mismatch effects in the added feedback paths with re-
spect to the first-stage analog coefficients, which cause low-order noise leakages
[Morg07a].

These setbacks can be circumvented by replacing the feedback paths from the second-
stage output to the first stage input, and directly feeding the modulator output to the
first stage as shown in Fig. 3.32. The digital subtraction of the quantizer outputs is
thus performed inside the first-stage loop of the cascade. This strategy—generally
presented in [Magh06] (see Fig. 3.13) but not specifically applied to a SMASH
cascade—results in no modification of the overall output compared to that in (3.25),
while eliminates the need for extra feedback paths, so the number of linear DACs
required is not increased. However, feeding the output of the ��M back to the
input requires a DAC with double full scale and one more bit than the largest of
the resolutions of the ADCs in the stages. This is due to the digital summation of
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Fig. 3.32 Proposed (IV) topology for the robust implementation of a 2-2 SMASH ��M with unity
STFs

the stages outputs (see Appendix B); although, as will be shown in the following
case study, the in-loop location of the digital adder helps to considerably increase
the robustness of the proposed cascades to mismatches compared to the 2-2 SMASH
��M in [Magh06].

Note from Fig. 3.32 that two paths are used to extract the quantization error of
the first stage and give it to the next. Unfortunately, I1(z) can be no longer used to
that purpose, since it yields

I1(z) = −z−2 · [E1(z) − Y2(z)/d] (3.27)

where Y2(z) stands for the digital output of the second stage.

3.2.2.2 Case Study

The performance of the SMASH architecture proposed in Fig. 3.32 is compared
below to that of a 2-2 conventional cascade ��M and of the original SMASH ��M
proposed in [Magh06] shown in Fig. 3.14. Behavioral simulations in SIMSIDES
[Ruiz05] are used for this purpose. All topologies operate with an OSR of 16, 4-bit
internal quantizers and a 1-V multi-bit reference voltage for comparison purposes
with data reported in [Magh06]. Multi-bit DACs are assumed linear.

Figure 3.33 depicts the SNR achieved by the different modulators versus the in-
put level when considering quantization errors only. Curves corresponding to the
proposed and conventional cascades with an inter-stage gain d = 1 can be directly
compared with the performance of the SMASH modulator. Note that the overload
level of the proposed cascade is considerably larger compared to the SMASH struc-
ture and also improves that of conventional cascades. As shown in Fig. 3.33, the
attainable peak SNR can be increased by operating the topology with d > 1.
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Fig. 3.33 SNR curves of the
different modulator
architectures
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Table 3.5 Overload level and output swing requirements of the different architectures

Architecture Overload level (dBFS) Output swing (V)

OA1 OA2 OA3 OA4

MASH, d = 4 −2.5 0.60 0.70 0.35 0.50
SMASH −7.0 0.75 1.24 1.49 2.69
Proposed (IV), d = 4 −1.5 0.15 0.10 0.15 0.10

Fig. 3.34 ENOB variation of
the SMASH and the topology
proposed in Fig. 3.32,
considering a 0.1% capacitor
mismatch (–6-dBFS input
level, 50-run Monte Carlo)
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The overload levels of the diverse architectures are shown in Table 3.5, together
with the output swing requirements of the amplifiers in the cascades. Note that
the combined use of unity STFs and multi-bit quantization leads to a remarkable
relaxation in the output swing for the proposed cascade compared to MASH and
SMASH topologies, simplifying their low-voltage implementation.

The sensitivity of the different architectures to noise leakages due to mismatches
has been studied on the basis of Monte Carlo simulations. Figure 3.34 shows the
ENOB for a −6-dBFS input signal obtained for the SMASH modulator in Fig. 3.14
and the cascade in Fig. 3.32 for a 50-run Monte Carlo simulation, considering a
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Fig. 3.35 Variation of the
SNDR with the amplifier gain
for the different architectures
(−6-dBFS input level)
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standard deviation of 0.1% in all capacitors. Note that mismatches at the extra feed-
back paths—marked with ⊗ in Fig. 3.14—are responsible for great variation in the
resolution in the SMASH topology, which would eventually result in an unreliable
practical implementation. However, the location of the digital summation of the
stage outputs inside the first-stage loop results in additional filtering and provides
the cascade proposed in Fig. 3.32 with great immunity to mismatches. Figure 3.34
shows how the low sensitivity to mismatches is still maintained despite the use of a
scaling inter-stage factor d > 1 to increase the modulator resolution.

Figure 3.35 compares the SNR obtained for the different �� structures against the
amplifier gain in the integrators for an input level of –6dBFS. Note that the required
DC gains in the conventional MASH with d = 1 and the SMASH to achieve an SNR
of 95dB are 50dB and 40dB, respectively. These values drop to 30–35 dB for the
cascade proposed in Fig. 3.32 operating with d = 1. Figure 3.35 also shows how
SNDRs of 105dB can be addressed with similar gain values if the topology operates
with d = 4.

Thanks to the implementation of unity STFs, the cascade in Fig. 3.32 also proves to
have considerably higher tolerance to non-linearities in the amplifier gain. Figure 3.36
shows the SNDR of the different topologies against the gain non-linearity for an input
level of −6dBFS. The amplifiers gain is assumed to be 55dB and non-linearities are
contemplated only in the front-end stage. Note that non-linearity requirements are
greatly reduced for the architecture in Fig. 3.32.

The above-mentioned results are summarized in Table 3.6. The first column
shows the amplifier gain required in all considered �� topologies to obtain an
SNDR that is only 3dB lower than that attainable by making Avnli = 0 for all i [see
(3.23)]. The second column shows the linearity required for the same SNDR drop
while assuming a DC gain of 55 dB in all amplifiers. Note from the data in Ta-
ble 3.6 that the performance of the architecture proposed in Fig. 3.32 outstands in
comparison to MASH and SMASH cascades.
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Fig. 3.36 SNDR variation
with the non-linearity of the
opamp gain (−6-dBFS input
level, 55-dB opamp gain)
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Table 3.6 Amplifier gain and
non-linearity requirements for
a 3-dB drop on SNDR

Architecture Amplifier gain (dB) Avnl2 (V−2)

MASH, d = 4 63.71 0.06
SMASH 36.57 0.15
Proposed (IV), d = 4 33.57 60.00

3.2.3 Novel SMASH ��Ms with Resonation

As with conventional cascades, two different approaches can be used to implement
resonation in SMASH ��Ms, namely: by using local resonators or via an inter-stage
feedback factor to perform global resonation. The implementation of both resonation
strategies, together with USTF, in these ��Ms is described in this section. The sub-
sequent architectural advantages are also addressed. However, the implementation
of USTF, SMASH and resonation entails the use of analog adders, at least one digital
adder and extra SC branches and coefficients for resonation.

3.2.3.1 Modulator Architecture with Local Resonation

Resonation can be included in the front-end or in the back-end stage of the 2-2
SMASH ��M, so either NTF1 or NTF2 will be given by (3.13). Equation (3.16)
indicates that a resonator in the first stage [NTF1(z) = 1− (2−g1) ·z−1 +z−2] shifts
2 zeros for both quantization errors E1(z) and E2(z). On the contrary, including a
resonator in the last stage will not modify the DC zeros of E1(z). However, the use
of unity STF in the last stage will remove this term from NTF in (3.16).

Besides, all NTF zeros can be shifted from DC to an optimum location by using
two resonators, one for the first stage and another for the second when the last
stage implements unity STF. Fortunately, this does not require modifications to the
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Fig. 3.37 Proposed SMASH ��M with two local resonators

digital cancellation logic, unlike conventional cascades which need to implement the
resonation coefficient in the digital cancellation logic7.

Figure 3.37 shows the block diagram of a 2-2 cascade ��M architecture com-
bining local resonation, SMASH and USTF. Two resonators are employed with the
corresponding coefficients g1 and g2 for NTF1 and NTF2, respectively. The NTF of
this ��M is thus given by

NTF(z) = −[1 − (2 − g1) · z−1 + z−2] · [1 − (2 − g2) · z−1 + z−2]
d

(3.28)

where d stands for the inter-stage scaling factor.

3.2.3.2 Modulator Architecture with Global Resonation

Figure 3.38 depicts the scheme of a 2-2 SMASH ��M, which includes unity STF and
multi-bit quantization in both stages and global resonation in the cascade. Table 3.7
encloses the feed-forward and resonation coefficients of the ��M topology, which
can be easily derived from a procedure similar to that described in Sect. 3.1.3. This
SMASH architecture removes the matching requirements between analog and digital
filtering by performing a digital subtraction of the quantizer outputs inside the first-
stage loop [Morg07b]. This strategy eliminates the need for additional feedback
paths as originally proposed in [Magh06], so the number of linear DACs required
is not increased in comparison with conventional MASH ��M. The location of the
digital adder also helps to considerably increase the robustness of the modulator to
capacitor mismatches.

7 These coefficients are most probably not a number power of two. Their implementation in the
digital domain can therefore become costly and complex [Sanc06].
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Table 3.7 Scaling on
feed-forward and resonation
coefficients

Feed-forward coefficients Global resonation coefficients

a1 = 2

c1
r1 = g

d · c3

a2 = 1

c1 · c2
r2 = g · a4

d

a3 = 2

c3

a4 = 1

c3 · c4

The digital adder in Fig. 3.38 performs the subtraction of the first- and second-
stage outputs (Y1 and Y2, respectively), the latter signal being digitally scaled by 1/d
in this operation (Y = Y1 − Y2/d). The output of this subtraction is given directly
to the multi-level DAC embedded in the front-end loop. As a consequence of the
digital addition, the feedback signal in the first-stage loop is implicitly scaled by a
factor that depends on the quantizers’full scale and on the inter-stage scaling factor d.
Assuming that the full scale of both quantizers is the same and equals the reference
voltage, the scaling factor is 2/3 for d equal to 2 (see Appendix B). However, this is
equivalent to a reduction of the ��M voltage references by this factor, so the ��M
full scale decreases accordingly.

Global resonation is implemented in the modulator in Fig. 3.38 by means of
two inter-stage paths with coefficients r1 and r2 that feed a delayed version of the
last-stage quantization error back to the first-stage quantizer. One advantage of this
scheme is that, unlike that reported in [Sanc06], only FE integrators are used, and
this reduces the modulator sensitivity to circuit non-idealities.

Assuming a linear model for the embedded quantizers, thanks to global resonation,
the NTF of the modulator in Fig. 3.38 is given by

NTF(z) = −(1 − z−1)
2 · [1 − (2 − g) · z−1 + z−2]

d
(3.29)

where two of the NTF zeros are a function of g, the value of which can be optimally
chosen to minimize the in-band quantization error. If the OSR is low enough, the
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Table 3.8 Standards specifications and ��M parameters

Standard GSM BT UMTS DVB-H WiMAX WLANa WLANn

SNDR (dB) 80 75 65 55 60 65 50
BW (MHz) 0.2 0.5 1.96 3.8 10 10 20
L 2 2 2 2 4 4 4
OSR 200 80 40 20 12 16 8
fs (MHz) 40 80 160 160 240 320 320

value of g/d can easily be implemented, because a reduction in OSR means an
increase in g as described in Appendix A. The resonation provided by this ��M is
thus specially suited to wideband applications at low OSR.

3.2.3.3 Case study

In order to show the benefits of the ��M architecture in Fig. 3.38, a case study is
presented considering all the standards listed in Table 3.8. This table also shows the
values of the modulator design parameters varied for the distinctive operation modes,
namely: modulator order (L), oversampling ratio (OSR) and sampling frequency
(f s) in order to cope with the required resolution for each signal bandwidth. The in-
loop coefficients for the modulator in Fig. 3.38 are {c1, c2, a1, a2, c3, c4, a3, a4} =
{0.25, 1, 8, 4, 0.25, 1, 8, 4}, while the resolution of the first- and second-stage quan-
tizers are 3 and 5 levels, respectively. Global resonation is used only in WLANn
mode with a feedback coefficient of g/d = 0.05, resulting in a shift of two zeros of
the NTF from 0 to 0.95 ± j0.32. This distribution of zeros reduces the IBE power by
approximately 9.5 dB within a bandwidth of 20 MHz. A sampling capacitor of 0.25
pF is considered in all simulations. The thermal noise introduced by the sampling
operation of this capacitor is also taken into account in the following simulations.

Several behavioral simulations have been performed using SIMSIDES [Ruiz05].
The first-stage feedback DAC is assumed linear here, whereas the alternatives
for the practical implementation of the required DEM technique are described in
Appendix B.

Since there are no noise leakages due to mismatching between the analog and
digital processing in the cascade in Fig. 3.38, the DC gain amplifier requirements
are clearly relaxed compared to conventional cascades, as illustrated in Fig. 3.39 for
the WiMAX mode. The figure shows that amplifier DC gains of 35 dB are enough
to fulfill specifications. Similar results are obtained for the remaining modes in
Table 3.8. These low requirements for the opamp gain are specially beneficial for a
low-voltage scenario, in which technology scaling degrades both the transistor gain
and, subsequently, that of the amplifier [Sans06]. Note from Fig. 3.39 that, except for
the third opamp, the amplifier DC gain can be lowered much more in the WiMAX
mode. Unlike conventional cascades, in which the most demanding requirements
are associated with the front-end amplifiers, this is not the case in the proposed
modulator topology thanks to the elimination of the digital processing.
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Figure 3.40 shows the output spectra and the integrated IBE powers over fre-
quency for WiMAX, WLANa and WLANn. The IBE power within the 10-MHz
band is reduced for WLANa when compared to WiMAX by increasing the sampling
frequency. For WLANn, resonation introduces a notch close to the upper limit of the
20-MHz signal band, which helps to further reduce IBE.

Figure 3.41 depicts the obtained modulator SNDR curves for all operation modes,
which fulfil the requirements in Table 3.8. Note also that the ��M overloads close
to the reference voltage for all modes8 as a consequence of the great robustness of the
modulator topology to amplifier non-linearities. This results in very low requirements

8 Note that the scaling factor of 2/3 on the references resulting from the in-loop digital addition
makes the SMASH modulator overload 3.5 dB earlier than in a conventional cascade.
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Fig. 3.41 Modulator SNDR versus input signal level

for the amplifier output swings, which are always lower than 0.3 V (25% of the
reference voltage).

This case study confirms that the cascade ��M in Fig. 3.38 presents many ap-
pealing features, inherited from the combination of USTF, resonation and SMASH
concepts in its modulator architecture. These features include reduced opamp output
swings (inherited from the USTF implementation in the stages), increased resolu-
tion (thanks to global resonation) and robustness against noise leakages such as those
that correspond to low DC gain in the first-stage opamps (drawn from the SMASH
structure).

3.3 Practical Timing Issues of the Novel Architectures

The previously reported topologies and their proposed combinations shown in
Sect. 3.1 and 3.2, respectively, have so far been studied either as linear models in
Z-domain or on the basis of behavioral simulations. An appropriate timing analysis
is required further down in the design hierarchy. In other words, the SC implementa-
tion of these architectures needs to be considered in order to check the overall timing
operation of the modulator building blocks. After this analysis (shown below), this
section will illustrate why a number of the architectures in Sect. 3.2 present timing
issues that make them unreliable in practice. Two novel topologies combining almost
all the concepts of the architectures proposed in Sect. 3.1 and 3.2 (USTF, local and
global resonation, and SMASH) and circumventing these timing issues are proposed.
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Fig. 3.42 Single-ended SC schematic of the second-order USTF ��M in Fig. 3.6

Most of the architectures presented in previous sections are cascades based on
USTF stages, which need to be carefully studied in terms of timing. In fact, USTF
implementations in ��Ms are known for demanding timing requirements in the
loop [Ghar06]. However, several ICs have efficiently implemented this concept in
both single-loop [Gagg04, Yao06, Chri10] and cascade ��Ms [Nam05, Chri07,
Morg10].

3.3.1 Implementation and Timing of USTF ��Ms

Let us first study the 2nd-order USTF ��M shown in Fig. 3.6. To this purpose,
Fig. 3.42 illustrates its SC implementation. Its timing can be summarized as follows:

• During the sampling phase (φ1), integrators sample their inputs and the analog
adder operates. The comparators of the quantizer are triggered at the end of this
phase; i.e., when the added value is well settled.

• During the integration phase (φ2), the output voltage of the DAC, VDAC, is fed
back to the first integrator. Both integrators integrate in this clock phase. The
first integrator processes the subtraction of VDAC to the voltage sampled in the
previous phase.

Figure 3.43 shows the timing diagram corresponding to the SC schematic in Fig. 3.42,
also illustrating the evolution of all the highlighted nodes. These nodes are:

• The inputs and outputs of the integrators. The inputs of the first integrator are X
and VDAC. Note that the former signal stands for the modulator input, while the
latter indicates the output of the in-loop DAC. The second integrator samples the
output of the first, X2, with the output of the second being I1.

• Intermediate nodes used to illustrate the sampling operation of the integrators.
These nodes are located at the bottom plate of the integrators sampling capacitors.
The first integrator uses X ′

2 and the second I ′
1.

• The output of the analog adder, Q1.
• The quantizer output, Y, which is also the output of the USTF ��M or stage.
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Fig. 3.43 Timing diagram of
the SC schematic in Fig. 3.42
(VDAC is duplicated for the
sake of clarity)
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The top of Fig. 3.43 provides a time reference normalized with respect to the clock
period. The numbers of cycles take integer values (n − 1, n, n + 1, etc) that correspond
to those points just before the end of the clock phase φ1. On the contrary, the end of
φ2 is associated with 1/2 sample of the integer values9 (n − 1/2, n + 1/2, n + 3/2,
etc).

9 Later, the delays (z−1), or half of them (z−1/2), can be extracted from a Z-transform. For instance,
the value of the node X during cycle n can be defined as x[n] in the time domain. The Z-transform
is denoted as x[n] ↔ X(z), so a delay in this signal will be x[n − 1] ↔ z−1X(z) and half a delay
x[n − 1/2] ↔ z−1/2X(z).
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Figure 3.43 highlights two paths. The first path (with ruled time slots) stands
for the feedback and in-loop operation common to all conventional second-order
��Ms; i.e., integrator operation, quantization and D/A conversion. The second
path (with filled time slots) is devoted to the feed-forward paths and the associated
in-loop operation that is necessary to implement USTF. Note that this is the most
critical path and this analysis therefore focuses on it. Special attention has been
paid to quantization error generation and its corresponding timing with regard to
the remaining nodes, including the preceding analog addition (Q1) and the in-loop
DAC (VDAC). The generation of the quantization error and its time relation with the
input signal and the analog addition are highlighted in Fig. 3.43 with ovals. The
sequential operation of the analog addition, the in-loop quantization and feedback
DAC operation will be critical for the timing of USTF ��Ms and, thus, for the
overall analysis discussed in this section.

From Fig. 3.43, the output of the analog adder can be defined as

q1[n] = x[n] + x2[n] + i1[n] (3.30)

The digital output of the modulator—considering a linear quantization error,
e1[n]—is

y[n + 1/2] = q1[n] + e1[n] (3.31)

since the quantization is performed just before the end of clock phase φ1. There is
therefore neither delay nor half-delay in the quantization operation and the analog
addition. Note from (3.30) and (3.31) that the addition of the input voltage, x[n], and
the generation of e1[n] both take place in the same cycle n.

The voltage at the output of the DAC is

vDAC[n + 1/2] = {y[n + 1/2]} = {q1[n] + e1[n]} (3.32)

where the function {.} stands for the D/A conversion. The error generated by this
operation can be added as a linear source, as done for the quantization error e1[n].
However, a fully linear DAC is considered. This will have no impact on the timing
analysis, but will simplify it. As a consequence, (3.32) transforms into

vDAC[n + 1/2] = y[n + 1/2] = q1[n] + e1[n] = x[n] + x2[n] + i1[n] + e1[n]
(3.33)

indicating that there is only z−1/2 between the in-loop DAC and the analog addition.
In this case, this z−1/2 is already half of the z−1 in the numerator of the first integrator
transfer function10. However, it will be demonstrated below that this z−1/2 may lead
to a timing issue in cascade ��Ms made up of USTF stages.

Let us suppose, for example, that VDAC is sampled by the analog adder of an
upcoming stage in a cascade. This last node is sampled to extract the quantization

10 FE integrators are employed, with transfer function H(z) = z−1/(1 − z−1).
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Fig. 3.44 Illustration of timing issues in unity STF-based cascade ��M architectures

error, E1, as a subtraction of Q1 and VDAC and used it to feed the latter stage in
a cascade ��M. Then, the analog adder both samples its inputs (also VDAC under
this presumption) and operates in the clock phase φ1, as depicted in Fig. 3.43 and
shown in (3.30). There is thus an extra half a clock cycle (z−1/2) derived from the
sampling of VDAC in the adder, because the addition and its corresponding sampling
are performed in phase φ1. Note from (3.33) that there is a delay (z−1) in the inter-
stage addition in question with respect to Q1 and E1. This is the scenario of the
timing issues for most of the architectures presented in Sect. 3.2.

3.3.2 Timing Problems in Unity-STF Cascade ��Ms

In order to analyze potential timing issues in USTF-based cascade ��Ms, let us
consider the ��M in Fig. 3.11, in which the 1st-stage quantization error is fed to
the second USTF stage by subtracting the 2nd-integrator output and the output of
the 1st-stage DAC.

Figure 3.44 shows the critical timing path in Fig. 3.11 highlighting it with ⊗ in
the figure. Note from Fig. 3.44 that E1 is extracted as a subtraction of two paths
(performed in the virtual adder AA2

11); namely, one from Q1 and another after the
quantization and the inter-stage DAC (labelled as DACi).

11 Note that AA2 will not be implemented in a practical realization, but its operation will be merged
with that of AA3.
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Practical timing problems arise when the first-stage quantization error, e1[n], is
given to the second-stage adder (AA3) and to the subsequent quantizer. The analog
adders AA1and AA3 operate in φ1, the embedded quantizers compare their inputs
at the end of this phase and the in-loop DAC operates in the following phase, φ2.
The main issue is given by the fact that the inter-stage DAC (DACi) works at φ2. In
practice, therefore, there is an extra delay (z−1) at this point.

Figure 3.45 addresses this in more detail. Figure 3.45a focuses on the region of
the scheme in which this timing problem occurs, and then, Fig. 3.45b illustrates the
corresponding timing diagram. It can be observed that there is an effective delay
between the output of the first-stage analog adder and that of the second-stage adder;
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i.e., between nodes Q1 and Q2
12. This path is highlighted with ⊗ in Fig. 3.45b. The

signal at node Q2 can be obtained as

q2[n] = x4[n] + ai2[n] + VDACi[n − 1/2] − q1[n] (3.34)

Applying (3.33) to VDACi, (3.34) transforms into

q2[n] = x4[n] + ai2[n] + q1[n − 1] + e1[n − 1] − q1[n] (3.35)

so not only there is a delay in the delivery of the first-stage quantization error e1 at the
output of AA3but this delay also affects one of the traces of the first-stage addition
q1 at this node, impeding the cancellation of the two terms in q1 and the correct
extraction of e1.

Figure 3.45c modifies the scheme in Fig. 3.45a by including the actual extra delay
of Q1 and E1in the scheme. This delay was not considered for the NTF computation
in Z domain and substantially degrades the ��M performance. Cascade ��Ms with
unity-STF stages cannot thus be implemented in practice by extracting the 1st-stage
quantization error through two inter-stage paths due to timing issues. The topologies
depicted in previous sections that suffer these timing issues are those depicted in
Figs. 3.11, 3.16, 3.17, 3.31, 3.32, 3.37 and 3.38.

This problem13 is eliminated when only one inter-stage path is used as originally
proposed in [Silv01] and [Silv04a], so that unity-STF cascades as those shown in
Figs. 3.8, 3.9 and 3.15 do not exhibit this timing issue. This strategy has been applied
to reported USTF-based cascade ICs, such as those presented in [Nam05], [Chri07]
or [Morg10].

3.3.3 Alternative SMASH- and Resonation-Based Architectures

As stated above, USTF cascade ��Ms that need two inter-stage paths to feed the
next stage present timing issues. Two topologies that take these issues into account
are proposed. One of them makes use of USTF and a resonator in the first stage, and
SMASH and global resonation in the overall cascade. This topology solves the timing
issues of the proposed cascades that combined USTF stages with either SMASH or
global resonation. An alternative architecture, which is also free of the timing issues
discussed in this section, is presented. This cascade SMASH ��M makes use of
USTF and resonation in the first stage and also global resonation.

12 There is an extra half delay (z−1/2) when reaching nodeY2 but it does not affect the NTF and STF
of the cascade ��M because it is already part of the delay at the numerator of the third-integrator
FE transfer function.
13 In theory, this problem could be solved if the comparators of the first-stage quantizer are triggered
before the end of phase φ1. After a rising edge of this new phase, AA3must operate and the second-
stage quantizer will work at the end of phase φ1. Note that very fast operations are assumed for the
analog adders AA1and AA3. This solution is not robust, specially for high sampling frequencies,
because time slots smaller than half-delays are considered.
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The first architecture is based on a SMASH ��M proposed by [Magh07]. The
second stage of this SMASH, depicted in Fig. 3.46, presents the following STF and
NTF:

STF2(z) = 3 · z−1 − 3 · z−2 + z−3

NTF2(z) = (1 − z−1)2
(3.36)

Let us assume that the first stage is a unity-STF second-order ��M. Then, (3.16)
predicts that the output of this SMASH ��M is equal to:

Y(z) = X(z) + (1 − z−1)5E1(z) − 1/d · (1 − z−1)4E2(z) (3.37)

where an extra order for the filtering of the first-stage quantization error appears,
thanks to the use of the STF2 in (3.36). If a resonation coefficient g is included in
the first stage, the quantization error of both stages making up the ��M will be
therefore affected by this first-stage resonator (see Sect. 3.2.3). The resulting output
of the proposed modifications for a SMASH ��M is given by:

Y(z) = X(z) + [1 − (2 − g1) · z−1 + z−2] · (1 − z−1)3 · E1(z)

−1/d · [1 − (2 − g1) · z−1 + z−2] · (1 − z−1)2 · E2(z)
(3.38)

where a fifth- and fourth-order high-pass filtering, with two complex conjugates
zeros, are obtained for both the first and the second quantization errors, respectively.

In general, an FE integrator can operate with inputs sampled in both the sampling
and the integration phases with no modification of its transfer function, H(z) =
z−1/(1− z−1). However, BE integrators need to perform both operations in only one
phase because there is no delay in their input transfer function, HBE(z) = 1/(1−z−1).
In the scheme in Fig. 3.46, E1(z) is processed as an input by the third and fourth
integrators (see the sampling of X and VDAC in the first integrator with the auxiliary
signal X ′

2 in Fig. 3.43), and by the second-stage analog adder, with a delay in this
last case. Given that the third integrator is a BE integrator and that its inputs need
to extract E1(z) by operating in different phases—both φ1 and φ2, a cascade with
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USTF first-stage and a second stage similar to that depicted in Fig. 3.46 becomes
unfeasible.

Figure 3.47 shows a proposed architecture based on the previous one but solving
the problem described above. The signal delay in the numerator of the fourth-
integrator transfer function is transferred to its three previous nodes, so the third
integrator becomes an FE integrator. This integrator can process E1(z) taken from
the subtraction in different phases of the two inter-stage nodes Q1 and VDACi. How-
ever, the fourth integrator transforms into a BE integrator but only operates in this
mode for the output of the third integrator, X4. Figure 3.48 shows the corresponding
SC schematic, where inputs VDACi, Q1 and VDAC2 are processed in an FE mode; i.e.,
these inputs can be sampled in either φ1 or φ2. Notwithstanding, there is a minor
drawback in this architecture from a timing standpoint; the addition in the second
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stage requires a delay in the signal path of Q1. To include this required delay, three
sample-and-hold SC branches are needed with an appropriate phase scheme as pro-
posed in [Koh05] and [Kana06]. This circuitry has not been included in Fig. 3.48 for
the sake of clarity.

Figure 3.49 shows an additional improvement on the topology presented in
Fig. 3.47. Global resonation is included as an extra resonation strategy that, un-
fortunately, only affects the NTF term corresponding to E2(z). The output of this
��M topology is thus the following:

Y(z) = X(z) + [
1 − (2 − g1) · z−1 + z−2] · (1 − z−1)3 · E1(z)

− 1/d · [
1 − (2 − g1) · z−1 + z−2] · [

1 − (2 − g2) · z−1 + z−2] · E2(z)
(3.39)

Given that the second-stage STF is not equal to 1, there is a component of E1(z)
in the overall modulator NTF. Furthermore, E2(z) needs to be extracted and then
delayed before being added in the first-stage analog adder. As in the extraction of
E1(z), there is an actual delay for only one of the two paths used to feed E2(z) back
from the second to the first stage; namely, the path devoted to the feedback in the
inter-stage DAC, DACj. Figure 3.50 illustrates this. Figure 3.50a shows the portion
of the scheme in Fig. 3.49 that corresponds to the global resonation operation, while
Fig. 3.50b illustrates the associated timing diagram. The path that goes from node
Q2 to Q1 through Y2 already includes this delay due to the timing requirements of
the sequential operations of AA3, DACj and AA1 during φ1, φ2 and φ1, respectively.
However, the path that goes from node Q2 directly to node Q1 is not delayed since
both adders (AA1 and AA3) operate in the same phase. This is the same timing analysis
presented in Sect. 3.3.2, the only difference being that the quantization error is given
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from the second stage to the first one. As in the extraction of (3.35), the output of the
first-stage adder becomes

q1[n] = x[n] + b1x2[n] + a1i1[n] + aq2[n − 1] + ae2[n − 1] − aq2[n] (3.40)

In practice, an extra delay is thus required to correctly extract the second-stage
quantization error as shown in Fig. 3.50c. The inter-stage global resonator path
marked with ⊗ in Fig. 3.49 therefore needs to incorporate a delay, following the
procedure described in [Koh05] and [Kana06].

The modulator in Fig. 3.51 is also proposed. This modulator combines a SMASH
structure with STF2(z) = 2 · z−1 − z−2 as proposed in [Magh06] with a USTF first
stage, local resonation in the same stage and global resonation in the overall cascade.
Note from Fig. 3.51 that an extra delay—that can be implemented with the procedure
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described in [Koh05] and [Kana06]—is required for the path with ⊗. The output of
the modulator therefore becomes

Y(z) = X(z) + [
1 − (2 − g1) · z−1 + z−2] · (1 − z−1)2 · E1(z)

− 1/d · [
1 − (2 − g1) · z−1 + z−2] · [

1 − (2 − g2) · z−1 + z−2] · E2(z)
(3.41)

where the order of the shaping of the first stage quantization error is reduced to 4.
Note from (3.41) that the efficiency of global resonation might be limited because
the IBE power may eventually be dominated by the first-stage quantization error.

3.4 Summary

This chapter has shown different techniques—such as concurrency and reconfig-
urable architectural strategies—for obtaining ��Ms suited to SDR. The implemen-
tation of these techniques is easier in cascade ��Ms that in single-loop topologies.
This chapter has focused on the implementation of efficient cascade ��Ms ca-
pable of incorporating the aforementioned techniques (concurrency and expansion
of the modulator order) easily. Several novel cascade ��M topologies have been
presented. First, an expandable family of cascade ��Ms is shown and previously
reported unity-STF and resonation-based cascade �� topologies are examined, and
then other recently reported cascades such as SMASH and global resonation ��Ms
are also addressed.

All the earlier topologies were combined, resulting in the novel ��Ms presented
throughout this chapter. These architectures show high robustness against their build-
ing block non-linearities and non-idealities, these being specially remarkable in those
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topologies based on USTF and SMASH ��Ms, respectively. Furthermore, low
opamp output swings can easily be obtained with the right selection of in-loop coef-
ficients and/or the resolution of the embedded quantizers in these architectures. All
these characteristics make the proposed ��Ms very suitable for the implementation
of both low-voltage wideband and multi-mode A/D conversion. In fact, case stud-
ies based on behavioral simulations are used as a verification vehicle to show the
architectural advantages of the architectures.

Unfortunately, the combined use of cascades made up of unity-STF stages and
either SMASH or global resonation involves timing issues. These issues are discussed
and solutions are proposed, including two alternative architectures for the practical
implementation of most of the ideas presented in the proposed topologies.

A number of the architectures and ideas presented in this chapter will be used for
the electrical design and fabrication of three ICs, shown in Chaps. 4, 5 and 6. Some
of these ideas, such as the use of expandable cascade topologies, unity-STF cascade
��Ms, resonation and concurrency, together with specific reconfigurable strategies
lead to ��M ICs intended for the efficientA/D conversion of multi-standard wireless
applications.



Chapter 4
A 130-nm CMOS Reconfigurable 2-1-1 Cascade
SC ��M for GSM/BT/UMTS

BEYOND-3G WIRELESS TELECOM SYSTEMS WILL REQUIRE low-
power multi-standard chipsets that are capable to operate over a number of different
co-existing communication protocols, signal conditions, battery status, etc. [Bran05].
An efficient implementation of these chipsets demands for reconfigurable transceiver
blocks that can adjust their circuit parameters to the diverse specifications with adap-
tive power consumption and at the lowest cost. One of the most challenging building
blocks in multi-standard receivers is the ADC, because of the assorted signal band-
widths and dynamic ranges that can be required to properly handle theA/D conversion
for several operation modes [Gula01]. Compared to other data conversion techniques,
�� modulators are very suited for the implementation of multi-standard, multi-mode
ADCs in highly integrated transceivers using low-cost digitally-oriented nanometer
CMOS technologies. On the one hand, the key principles of �� modulators (over-
sampling and noise shaping) make them robust with respect to circuit errors. On
the other, since both principles determine the dynamic range of the �� modulator,
their variations can easily contribute to adapt the converter performance to different
specifications with large hardware reuse [Burg01, Mill03, Veld03, Chri07, Crom09].

This chapter presents a triple-mode SC �� modulator that combines architecture-
and circuit-level reconfiguration strategies in order to adapt its performance to the
requirements of GSM, Bluetooth and UMTS standards. The modulator uses an ex-
pandable cascade topology with a switchable multi-bit back-end stage, reconfigures
its sampling frequency and adapts the bias currents of the amplifiers in order to
optimize the power consumption depending on the standard of operation. The proto-
type has been implemented in a 130-nm CMOS process and operates with 1.2/3.3-V
supplies. It features dynamic ranges of 83.8/75.9/58.7 dB within signal bandwidths
of 200 kHz/1 MHz/4 MHz with 23.9/24.5/44.5 mW power consumption, of which
9.7/10/24.8 mW are dissipated in the analog circuitry, respectively.

This chapter is organized as follows: Sect. 4.1 presents the RF SIMULINK
block set that has been developed in order to extract the specifications of the ��

modulator—which is assumed to be embedded in a zero-IF receiver—and validate
the performance of the multi-mode receiver. Section 4.2 discusses the procedure
followed for selecting the modulator architecture. Section 4.3 describes the SC im-
plementation, the reconfiguration strategies and the high-level sizing of the ��

modulator, whereas the electrical design of the circuit blocks is covered in Sect. 4.4.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 111
DOI 10.1007/978-1-4614-0037-0_4, © Springer Science+Business Media, LLC 2011
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Section 4.5 shows the chip layout, illustrating special techniques for mixed-signal
systems which have been employed, as well as details on the modulator area
consumption. Finally, Sect. 4.6 presents the experimental results of the prototype.

4.1 Receiver Considerations and ADC Specifications

The �� modulator presented in this chapter has been designed to meet the require-
ments of a multi-standard direct conversion receiver as the one shown in Fig. 4.1.
This receiver architecture is commonly used in multi-standard applications because
it eliminates the need for both IF- and image-reject filtering and requires only a single
oscillator and mixer [Abid95]. In order to cope with the requirements of the different
standards, separate (switchable) RF hardware paths (normally one per standard1) are
used, whereas a single, digitally-programmed baseband section (from the mixer to
the ADC) is implemented [Li02].

As stated in Chap. 1, a set of evaluation tests is outlined to validate the receiver
performance in terms of three basic aspects: sensitivity, selectivity, and linearity
[Crol97]. The first step of the systematic design methodology used in this work
consists in mapping the receiver requirements onto building-block specifications
(gain, DR, linearity and NF) in order to obtain the performance requirements for
the ADC. This is an iterative synthesis process, generally called receiver planning

1 Sometimes a reconfigurable LNA is employed when the standards share the same RF band
[Bran05].
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Table 4.1 Input-referred requirements for the different considered standards

GSM Bluetooth UMTS WLAN

Sensitivity (Smin) −102 dBm −70 dBm −117 dBm −65 dBm

Max. signal (Smax) −15 dBm −20 dBm −25 dBm −30 dBm
Bandwidth 200 kHz 1 MHz 3.84 MHz 20 MHz
Interferer level −49 dBm −39 dBm −46 dBm −45 dBm
Max. out-band blocker 0 dBm −10 dBm −15 dBm 0 dBm
Max. in-band blocker −23 dBm – −44 dBm −30 dBm
Max. adjacent channel −33 dBm −27 dBm −92.7 dBm −65 dBm

[Crol97], that is usually accompanied by a level diagram which shows how the
different signals (wanted signal and interferes) evolve along the receiver chain.

In this work, a simulation-based approach has been adopted for the receiver plan-
ning. To this purpose, the receiver front-end building blocks are modeled using
MATLAB/SIMULINK [Morg09]. The behavioral models of the RF and baseband
building blocks in SIMULINK take into account the operating frequency, bandwidth
and amplification within the passband of the block, as well as their main non-ideal
effects, including noise figure and intermodulation intercept points. In addition to
these general parameters, some specific ones are also included, such as the mixer
offset. In order to perform all the necessary evaluation tests, a complete DCR is im-
plemented with this block set as shown in Fig. 4.2. Table 4.1 summarizes the specific
requirements of an evaluation test of the receiver for a case study that considers four
different standards, namely: GSM, Bluetooth, UMTS and WLAN [Li02, Stee07].
Besides, a complete receiver planning in which every building-block specification
is a design parameter is beyond the scope of this work. Instead, fixed specifications
for the blocks in the receiver chain extracted from reported radio receivers [Yoon04]
were considered as shown in Table 4.2 and the ADC effective resolution was ex-
tracted from an iterative simulation-based procedure [Morg09]. The extracted ADC
specifications are the starting point for the design of the ��M in this chapter (as
well as the ones in the next two chapters).

Figure 4.3 illustrates the different results that can be obtained with this tool such as
a visualization of the signals (wanted and blockers), distortion and noise propagation
on a direct conversion receiver, a level diagram of the different signals of interest
and interferences, or a verification of the noise and intermodulation contributions
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Table 4.2 Receiver building-block specifications

of every building block to the NF or IIP of the overall DCR, respectively. In fact,
Fig. 4.3a shows the way the required resolution for the ADC—in terms of the peak
SNDR—is extracted together with the evolution of the different metrics throughout
the receiver chain for WLAN. The propagation of the different test signals defined
by the standard—i.e., the level diagram—is presented for UMTS in Fig. 4.3b. The
evolution and contribution of NF and IIP3 in all the building blocks that conform the
receiver are shown in the remaining subfigures. Note that the simulation results of
NF, IIP2 and IIP3 fulfill the standard requirements, as shown in Table 4.3.

Following this procedure, ADC resolutions of 13 bit for GSM, 11 bit for Bluetooth,
9 bit for UMTS and 7 bit for WLAN, along with commonly reported performances for
the remaining blocks in the receiver chain, allow to fulfill the receiver requirements
imposed by these four standards. The former ADC specifications for the first three
standards are the starting point for the high-level exploration of �� alternatives,
detailed in next section. Note that WLAN is not been included in the specifications of
the presented ��M because of the large operation signal bandwidth of this standard2.

2 Initial estimations of the power consumption showed that the power of the main building blocks
in this modulator were dominated by this operation mode to such an extent that the obtained
performance was really degraded. Moreover, this operation mode also dominates the power of
the remaining ones because the building blocks were not flexible enough to work with such a large
difference in the biasing and, consequently, in the power as well. The demanding speed requirements
of this standard need a more efficient ��M architecture, as those presented in Chaps. 5 and 6.
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4.2 Selection of the Modulator Architecture

The expandable cascade described in Sect. 3.1.2 allows an architectural adaptation
of the ��M order—and, thus, of the shaping of the quantization error—according
to the requirements of the corresponding operation modes. Besides, the potential
use of dual quantization for the last-stage quantizer is another advantage in terms of
architectural reconfiguration. These are the reasons why this architecture is selected
for the targeted multi-standard applications.
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Table 4.3 Summary of the simulated receiver performance

Std. NF (dB) IIP3 (dBm) IIP2 (dBm)

Simulated Specs. Simulated Specs. Simulated Specs.

GSM 9.48 10.00 −15.96 −18.00 30.39 12.50
BT 20.42 23.00 −9.93 −17.50 34.48 12.00
UMTS 5.79 9.00 −6.74 −7.00 40.71 32.00
WLAN 12.20 15.00 −24.43 −24.50 5.37 −4.00
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Fig. 4.4 Block diagram of the expandable cascade ��M in [Mede03]

4.2.1 Expandable �� Cascade Architecture

The expandable cascade ��M with schematic in Fig. 4.4 [Mede03] comprises a
second-order stage followed by first-order stages, and can be easily extended to
build a ��M of a generic order L by simply adjusting the number of first-order
stages. The outputs of all the stages are processed in digital domain and combined
by the digital cancellation logic so that ideally only the quantization error of the
last stage remains, and it is shaped by an NTF whose order equals the sum of the
respective orders of all the stages in the cascade. Note that this architecture can
exploit the benefits of an unconditionally stable high-order shaping thanks to its
cascade structure and of a robust, linear multi-bit quantization by incorporating it
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only in the modulator last stage [Bran91]3. Altogether, the main advantages of this
��M architecture are [Mede03]:

• The systematic loss of resolution that is typically present in every cascade ��M
when compared with an ideal L-th order loop is only 6 dB.

• The modulator overload level remains constant at4 −5.6 dBFS, regardless the
order of the expandable cascade.

• The output swing required in the integrators is only the modulator full scale.
• Capacitor sharing allows to implement the integrator coefficients with only two

SC branches.
• The total number of unit capacitors is only 2 × [5 + 4(L − 1)], which benefits

area occupation, thermal noise and amplifier dynamics.
• All first-order stages can be electrically identical5, which considerably simplifies

the electrical and physical implementation of the modulator.

Note that every cascade ��M belonging to the family depicted in Fig. 4.4 can be
univocally described by three parameters: the modulator order (L), the oversampling
ratio, and the number of bits in the last stage (B). Thus, a {L, B, OSR} triad is used
to codify them.

4.2.2 Exploration of �� Cascade Candidates

The first step in the design of the reconfigurable ��M is the exploration of the
{L, B, OSR} candidates for each standard that fulfill the corresponding standard re-
quirements with minimum power consumption. At this step, an improved version of
the analytical procedure described in [Mede03] to estimate the power consumption
of cascade ��Ms has been followed. As shown in Fig. 4.5, the procedure—
based on compact expressions that contemplate both architectural and technological
features—schematically consists of the following steps:

• The in-band quantization error power (PQ) is calculated for given values of {L,
B, OSR} and of the modulator reference voltage (Vref). Noise leakages due to
capacitor mismatch (�C), finite amplifier DC gain (ADC) and errors in the multi-bit
DAC (INLDAC)—if B > 1—are also contemplated.

3 The use of a multi-bit quantizer—and DAC—for only the last stage, allows a dual-quantization
scheme in which the quantization noise of the overall modulator decreases while the non-linearities
of the multi-bit DAC are filtered by an order equal to the number of integrators in all the precedent
stages.
4 Note that dBFS is defined as dB relative to the FS, where the FS is given by the quantizer reference
voltage.
5 If multi-bit quantization is used in the modulator last stage, its integrator coefficients are usually
doubled in order to operate with an unity-gain multi-bit quantizer and make its implementation
easier. This, together with the larger integrator load due to the multi-bit quantizer, normally prevents
from using the same electrical design.
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Fig. 4.5 Exploration
procedure of ��M
candidates
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• The in-band error power due to thermal noise (PTN) is then considered. The
value of the sampling capacitor at the modulator front-end (Cs) is selected so
that PQ + PTN is smaller than the maximum allowed total IBE power. PTN will
be mainly contributed by kT/C noise, but some room is left at this step for the
contribution of the front-end amplifier noise.

• The amplifier GB is estimated so that the IBE power due to the integrator defective
settling (PST) is non-limiting (PST � PQ + PTN ). A linear settling model is used,
considering that it takes a number ln(2ENOB) of time constants to settle within
ENOB resolution.

• The amplifier GB is then related to its power dissipation, for which the ampli-
fier topology must be known a priori. Suitable candidates are closely related to
the process technology—130-nm CMOS in our case—and its supply voltage,
minimal device length, etc.

• Once the power dissipation of the front-end integrator has been estimated, that of
the remaining ones—with less demanding specifications—is considered to be a
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fraction of it. The overall modulator power is then basically obtained by adding
all contributions, together with the dynamic power in the SC stages.

Given the targeted multi-standard application, the suitable {L, B, OSR} triads for
each standard have been explored under the following global constraints:

• The modulator reference voltage is fixed to 1.2 V in order to place the input signal
level at −5.6 dBFS6, maximizing thus the SNDR.

• Given the targeted low/medium resolutions, the explored values of L are restricted
to 2, 3 and 4 for the modulator operation not to be limited by low-order quantization
noise leakages.

• In order to ease the clock adaptation from one standard to another, the sampling
frequency (f s) is restricted to power-of-two divisions of a 80-MHz master clock.
This limits the OSR values to explore and forces to expand the BW in UMTS
from 3.84 to 4 MHz.

• The smallest unit capacitor to be considered is fixed to 0.25 pF for mismatching
issues.

• In order to facilitate the circuit reconfiguration, the sampling capacitor at the
modulator front-end can only take values that are multiple of the unit capacitor.

For illustration purposes, Table 4.4 shows several architectures explored for the vari-
ous standards, together with the information that the former procedure provides about
their high-level sizings. Shadowed cells in Table 4.4 correspond to fixed parameters
for all the standards, such as the reference voltage or capacitor mismatch.

Table 4.5 summarizes the ranking of ��Ms with the lowest estimated power after
the exploration of the {L, B, OSR} candidates for each standard. Together with the
values for {L, B, OSR}, those required for f s and Cs are also enclosed, as well as the
obtained DRs and peak SNDRs. The highlighted rows in Table 4.5 correspond to the
��Ms selected for further consideration. The rest of candidates are directly covered
by the selected ones, since they just imply an increase of L or B. Thus, the selected
��Ms at this step globally comprise: third- and fourth-order cascades; single-bit
and multi-bit quantization of 2, 3 or 4 bits; sampling frequencies of 20, 40 or 80 MHz;
and sampling capacitors of 0.25 or 0.5 pF. This can be implemented at circuit level by
reconfiguring the third stage of the expandable cascade to either single-bit or multi-
bit with programmable resolution, by dividing the master clock frequency by a factor
2 or 4, and by using switchable capacitors at the modulator front-end, respectively.
Seeking for a single circuit that covers all the former possibilities can a priori be
done, but such a large degree of freedom in the reconfigurability will considerably
increase the circuit complexity. Thus, only one {L, B, OSR} triad will definitively be
selected for each standard. However, given that the estimated power consumptions
are not very different from one case to another, the final decision was taken after
extracting their complete set of building-block requirements using more accurate
behavioral simulations as detailed below.

6 Note that the gain of the PGA in Fig. 4.1 needs to be adjusted, thus, to provide this input level.
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Table 4.4 Examples of high-level sizings and corresponding IBE contributions
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Table 4.5 Ranking of ��Ms according to power estimations

Std. L B OSR f
S

(MHz) C
S

(pF) DR (bit)
Peak SNDR

(bit)
Power 
(mW)

GSM

4 1 50 20 0.50 14.4 13.6 10.9

3 2 50 20 0.50 14.4 13.6 11.7

3 3 50 20 0.50 14.4 13.6 12.5

3 4 50 20 0.50 14.4 13.6 14.1

4 3 50 20 0.50 14.4 13.6 14.2
4 4 50 20 0.50 14.4 13.6 15.8

4 2 50 20 0.50 14.4 13.6 13.4

3 1 100 40 0.25 14.4 13.6 17.0

4 1 100 40 0.25 14.4 13.6 20.0

BT

4 1 20 40 0.25 12.8 12.0 18.1

3 3 20 40 0.25 12.8 11.9 20.6

3 4 20 40 0.25 13.0 12.2 22.5

4 2 20 40 0.25 13.2 12.3 23.0

4 3 20 40 0.25 13.2 12.4 23.9

4 4 20 40 0.25 13.2 12.4 25.5
3 1 40 40 0.25 13.4 12.6 32.1

UMTS
3 4 10 80 0.25 10.8 10.0 37.3

4 2 10 80 0.25 10.4 9.6 38.6

4 3 10 80 0.25 11.5 9.6 42.0

4.2.3 Final Modulator Architecture Selection

The formerly selected candidates have been extensively simulated using SIMSIDES
[Ruiz05]. The architecture specifications can this way be mapped onto more refined
building-block requirements such as amplifier DC gain, GB, SR, equivalent input
noise, switch on-resistance, etc.

The steps followed in this process are:

• Validate that the ��Ms selected from Table 4.5 achieve the required DR for each
standard, taking into account quantization error and kT/C noise.

• Determine the maximum equivalent input noise for each amplifier that does not
degrade the formerly achieved performance.

• Determine the required amplifiers dynamics (GB and SR), taking into account
settling errors during both the integration and sampling phases [Rio06].

• Refine the DC gain and SR requirements at the front-end integrator in order to
limit the generated distortion near the modulator overload level.

At this step different amplifiers are considered in each integrator in order to gain
insight on their individual needs. Once the final modulator architecture is selected
for each standard, we will try to cover the global amplifier specifications using recon-
figurable amplifiers (in terms of bias currents and/or transistors sizings). Switches,
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Table 4.6 Amplifier requirements after fine tuning of the different {L, B, OSR} candidates

which will not be reconfigured from one standard to another, are sized at this step
considering their slow-down effect on the integrators dynamics [Yu99] and their
induced dynamic distortion [Wu98]. They exhibit an on-resistance around 260 �,
which does not compromise performance in the different standards and avoids the
use of clock-boosting techniques.

The requirements of the selected ��Ms after the fine tuning process are sum-
marized in Table 4.6, in terms of the amplifier equivalent input noise, DC gain and
dynamics for each integrator. Figure 4.6 depicts the SNDR curves obtained by be-
havioral simulation for the modulator sizings in Table 4.6. The ��Ms exhibit peak
SNDRs larger than 81 dB for GSM, 71 dB for Bluetooth and 58 dB for UMTS. Based
on the results in Table 4.6, especially on those related to the amplifier dynamics, the
finally selected {L, B, OSR} triads are {3, 1, 100}, {4, 1, 20} and {4, 1, 10} for
GSM, Bluetooth and UMTS, respectively.

4.3 SC Implementation of the Reconfigurable �� Modulator

Figure 4.7 shows the block diagram of the multi-mode ��M, which adapts its
topology, conversion BW and operating frequency in order to fulfill the requirements
of the three standards, 13/11/9 bit effective resolution within 0.2/1.0/4.0 MHz of
BW. For the standard with the largest SNDR (GSM) a third-order shaping and high
oversampling are employed, whereas the modulator uses a fourth-order shaping and
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Table 4.7 Timing of the ��M

2 bits in the last-stage for the standard with the largest BW (UMTS) due to the limited
oversampling. Note that the clock frequency is doubled for this mode. A fourth-order
shaping is also used for Bluetooth but, contrary to UMTS, the last-stage quantizer is
reconfigured as single-bit.

The fully-differential SC implementation of the multi-mode ��M is shown in
Fig. 4.8. The formerly described reconfiguration strategies are handled at the circuit
level with three control signals: two of them (GSM and SB in Fig. 4.8) are used
to power on/off the last-stage of the cascade and to adapt its quantizer resolution,
whereas the third one (not shown in Fig. 4.8) controls the division of the master
clock frequency. A sampling capacitor of 0.25 pF is used for all standards, thus
eliminating the need for switchable capacitor arrays at the modulator front-end. This
value makes the ENOB to be limited by kT/C noise for GSM, whereas it is dominated
by quantization noise for UMTS.

The timing scheme of the �� modulator is illustrated in Table 4.7. The modulator
operation is controlled by two non-overlapped clock phases, φ1 and φ2. The integrator
input signals are sampled during phase φ1 and then integrated together with the
corresponding feedback signals during phase φ2. The comparators and the ADC are
activated at the end of φ2 (using φ2 as strobe) to avoid any possible interference of
the integrator transient response at the beginning of sampling. The operation over
time of each block for the conversion of an input sample is summarized in Table 4.7.
Note that the timing guarantees a single delay per clock cycle.

Considering the SC implementation in Fig. 4.8, the modulator specifications of
ENOB and BW for each standard have been mapped onto electrical requirements
of the amplifiers, switches and comparators, considering worst cases for speed and
for thermal noise. In this case, a new fine tuning process has been followed in
order to fulfill the various standard requirements while covering the global amplifier
specifications with only two reconfigurable amplifiers. One of the reconfigurable
amplifiers is to be used in the first stage of the cascade and the other one will be
employed in the third and fourth integrators. The two amplifiers will be reconfigured
from one standard to another by varying their bias currents.7 This strategy helps to

7 Note that the sizing of the amplifiers is not modified with the operation mode. This would have
entailed a more complex transistor-level design.
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Table 4.8 Requirements of amplifiers and comparators in the reconfigurable �� modulator

considerably reduce the complexity of the multi-mode cascade ��M and to shorten
the design cycle of its cells.

Table 4.8 summarizes the amplifier and comparator requirements when operating
in the various standards. These requirements define the starting point for the electrical
synthesis of the modulator blocks, which is described in the next section.

4.4 Electrical Design of the Modulator Blocks

4.4.1 Amplifiers

All amplifiers in the multi-standard ��M use the folded cascode topology that is
depicted in Fig. 4.9, since the required DC gains are not high, whereas the speed
specifications are quite demanding when operating in UMTS mode. The differential
input pair uses pMOS transistors, which affects power consumption but enables to
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Fig. 4.9 Folded cascode amplifier: a core, b SC common-mode feedback net
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cancel the body effect as an strategy to reduce the impact of substrate noise coupling.
Minimum-length transistors have been avoided in the amplifier input pair and in the
current mirrors in order to reduce 1/f noise and mismatching effects.

The four amplifiers (OA1 to OA4 in Fig. 4.8) share the same transistor sizes,
with the only difference being a larger differential input pair in the second and third
amplifiers (OA2 and OA3) in order to obtain a faster response. The bias current of each
amplifier is adapted from one standard to another according to the scheme illustrated
in Fig. 4.10. This figure shows that the currents IB1 and IB2—with current mirroring
ratios n1 and n2—are added to the current tail IBT—defined as nBT × Iref—according
to the table enclosed in Fig. 4.10 in order to generate the output current IB. Depending
on the amplifier and on the operation mode, the bias currents vary from 16 to 80 μA.

Table 4.9 summarizes the electrical parameters of each amplifier on the different
operation modes obtained after full transistor sizing. Results correspond to the worst-
case value of each individual parameter obtained from a corner analysis, considering
fast and slow device models, ±10% variation in the 3.3-V nominal supply and
temperatures in the range [−40 ◦C, + 85 ◦C]. Note that the electrical results in

Table 4.9 Worst-case results for the amplifiers obtained by electrical simulation
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Fig. 4.11 Illustration of the
non-linearity of the amplifiers
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Table 4.9 cover those obtained in the high-level sizing of the multi-standard ��M
(Table 4.8), the main difference being the value of the equivalent integrator loads,
which are finally considerably smaller than initially estimated at the high level.

Special attention has been paid to the non-linearity of the amplifier DC gains,
caused by the variation of the amplifier output conductance when its output voltage
swings. As illustrated in Fig. 4.11 for several amplifiers at the nominal case, it
translates into a reduction of the open-loop DC gain as the output voltage moves
away from the quiescent point, so that small-gain regions are often visited during
the normal operation of the modulator (shadowed areas in Fig. 4.11). This reflects
in Table 4.9 as a considerable reduction of the amplifiers’ output swings for UMTS
(the standard with the largest bias currents), which must be taken into accounted
in behavioral simulations. Non-linearities introduced by the front-end amplifier for
GSM must be also carefully considered. In order to accurately account for them in
behavioral simulations, we have resorted to a table look-up procedure using amplifier
DC curves obtained by electrical simulation, whose data are included in behavioral
simulations through a fast-convergence iterative procedure [Ruiz05, Rio06].

4.4.2 Capacitors

All integrators in the reconfigurable SC ��M use 0.25-pF sampling capacitors.
This value has been fixed considering the trade-off between the modulator operation
for GSM—in which thermal noise8 and mismatch can seriously limit the required
resolution (13 bit)—and that for UMTS—in which the required BW (4 MHz) in

8 Note that the most important contribution to the overall modulator thermal noise comes from
the first integrator since thermal noise of the remaining integrators suffers a filtering whose order
depends on the location of the corresponding integrator in the modulator.
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combination with large capacitive loads at the integrators can seriously impact power
consumption.

Capacitors use metal-insulator-metal (MiM) structures available in the intended
technology, which allows thin inter-metal oxide between two metals. The location of
these additional metal layers are above standard metals—except Aluminium (Al)—
for lower parasitic capacitance and less substrate loss. Aluminium is used to connect
the top and bottom plates of the capacitors as illustrated in Fig. 4.12. With these
structures, the 0.25-pF unit capacitor occupies approximately 21.5 μm × 17.5 μm,
its size being 29.5 μm × 24.5 μm when contacts to metal 8 are symmetrically placed
in the four corners of the structure to enable easy contacts to lower metals and, thus,
from the capacitor metal plates to the corresponding connections. These capacitors
exhibit a good matching (<0.3%)-enough for meeting specifications-and very small
bottom-plate parasitics (<5%). Note that Fig. 4.13 shows the influence of capacitor
mismatching for BT and UMTS, illustrating that mismatch leakage noises for stan-
dard values of technological mismatches are below the required resolutions. Note
that a standard deviation of a capacitance ratio—defined as σ (�Ci/Ci) in Fig. 4.13
with i referring to the corresponding integrator—of 0.3% is assumed for all capacitors
except the one that is varied in Fig. 4.13.

The fully-differential implementation of the reconfigurable modulator requires
only 2 × 17 unit capacitors, which helps to reduce the area dedicated to the im-
plementation of integrator coefficients. Figure 4.14 shows the symbolic layout of
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capacitors implementing the integrators weights in the �� modulator. Note that only
capacitors in the first integrator actually use a common-centroid topology, whereas
the matching of the remaining weights is just based on closely-placed unit capacitors.

4.4.3 Switches

All the switches in the �� modulator are of CMOS type and their designs have been
tackled with two main considerations in mind. First, the on-resistance of the switches
can heavily affect the integrators’ dynamics and slow their transient responses down
[Rio06]. Second, its value can be highly dependent on voltage, so that the non-
linearity of the input sampling switches can introduce dynamic distortion at the
��M front-end—the more evident, the larger the input signal frequency [Yu99].
Among the solutions to these problems, resorting to larger aspect ratios increases
capacitive parasitics, whereas including clock boosting increases complexity and
diminishes the robustness of the final IC [Wu98].

Behavioral simulation results show that switch on-resistances of about 260 �

can be tolerated in combination with the amplifier dynamics with no significant
response degradation. This value can be obtained in the used technological process
employing standard-threshold CMOS transmission gates, with no need for clock
boosters. The sizes of the pMOS and nMOS transistors have been selected equalizing
their transconductances, in order to keep the total on-resistance as linear as possible.
Figure 4.15a shows its nominal DC curve obtained by electrical simulation.

In order to accurately evaluate the induced dynamic distortion, the non-linear
sampling process at the modulator front-end has been electrically simulated using
the differential circuit shown in Fig. 4.15b. Distortion is mainly determined by the
switches that are directly connected to the input (S1p, n), given that the remaining
ones (S2p, n) are connected to the central voltage, which is approximately constant.
Electrical simulations have been performed for an input sinewave with amplitude near
the modulator overload level and with frequency at 1/3 of the considered standard
bands. Especial attention has been paid to GSM—whose results are depicted in
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Fig. 4.15c for a 0.63Vpd input sinewave, in which the signal BW is narrow but the
required linearity is relatively high, and to UMTS, in which the required resolution
is low but the signal band is wide. The resulting harmonic distortion in all simulated
cases is considerably lower than that required for the �� modulator operation on
the corresponding standard.

4.4.4 Comparators

The specifications for the comparators in the single-bit modulator stages are quite re-
laxed in terms of resolution, but demanding in terms of speed according to Table 4.8.
Offsets and hysteresis around 30–40 mV can be tolerated, but the maximum compar-
ison time must be around 1/4 of the clock period—3 ns for the 80-MHz clock used
for UMTS. For this reason, the latched topology shown in Fig. 4.16 has been adopted
[Wang00]. It includes a pre-amplifying stage to attenuate the impact of common-
mode interferences on the comparator and of kick-back noise on the integrator. As
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Table 4.10 Worst-case results for the comparator obtained by electrical simulation

Hysteresis 0.6 mV Offset 35.3 mV
Low-to-high resolution time 2.10 ns High-to-low resolution time 2.11 ns
Power consumption 0.50 mW

shown in Fig. 4.8, the CMOS latch uses φ̄2d as strobe in order to start the comparator
regenerative decision before the beginning of the integration phase (φ1).

Monte Carlo and corner analyses have been performed to electrically characterize
the comparator after full transistor sizing. Table 4.10 summarizes its worst-case per-
formance for a 0.2-pF load, with data shown being the statistical results considering
the mean values plus 3 sigmas.

4.4.5 Multi-bit Quantizer

A 2-bit quantizer is employed on UMTS mode in the last modulator stage to digitize
the fourth-integrator output and convert it back to analog domain (signals Y3,0−1 and
vDAC+,− in Fig. 4.8, respectively). The 2-bit A/D/A converter is implemented with a
flash quantizer and a resistor-ladder DAC, as shown in Fig. 4.17.

The quantizer has a differential flash architecture and compares the integrator
output (V+

i − V−
i in Fig. 4.17) with voltage tabs generated in the resistor ladder.

Comparators in the quantizer are similar to those described above, but with an extra
differential pair at the pre-amplifying stage in order to operate with fully-differential
inputs. The thermometer code at the comparators outputs is then translated into a
1-of-4 code (d0−3) that controls the resistor-ladder DAC. The latter uses 6 segments
of 400-� unit resistors laid with unsalicided p+ poly that are connected between the
differential reference voltages (V+

r = 2.25 V and V−
r = 1.05 V), thus providing a

differential full scale of 1.2V with 500-μA current consumption.
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4.4.6 Auxiliary Blocks

The auxiliary blocks required for the modulator operation are included on-chip,
namely the clock phases, common-mode and reference voltage generators, as well
as the master current generator.

4.4.6.1 Clock Phase Generation, Buffering and Distribution

Figure 4.18 shows the schematic of the clock phase generator. Two non-overlapped
clock phases—φ1, φ2—that control the sampling and integration operations in the
�� modulator are obtained from an external 80-MHz clock signal. Delayed versions
of these phases—φ1d, φ2d—are generated in order to attenuate signal-dependent
charge injection [Lee85]. The complementary versions of all these phases are also
generated—φ1, φ2, φ1d, φ2d—for the control of the CMOS switches. The clock
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Table 4.11 Loads corresponding to each clock phase

φ1d φ1d φ2d φ2d φ1 φ1 φ2 φ2

CL(fF) 342.8 247.1 188.0 926.0 670.0 222.0 670.8 222.0

phases generator includes a divide-by-2 module that is active for GSM and Bluetooth
in order to make the �� modulator operate internally at 40 MHz.

All generated phases must drive a load given by, on the one hand, the input
capacitance of the controlled switches and, on the other, by that of the digital gates
needed to enable DAC operations (see Ai, Bi, C3 and D3 generation in Fig. 4.8).
This can be translated into an equivalent capacitive load to be driven by all generated
phases. Table 4.11 shows the loads corresponding to all generated phases. However,
the clock phases need to be routed through the whole chip. Indeed, a long U-shaped
bus—whose size is shown in Fig. 4.19a—is used for the clock phases distribution9.
Figure 4.19b shows a 3D representation of a standard portion of the clock phases
routing. It can be observed that each phase is routed together with the complementary
(φi and φi, respectively) in metal 4, while both phases are surrounded by ground strips
of metal 4 in parallel (GND in Fig. 4.19). The whole bus is covered by the same
ground above and below the routed phases with plates at metal 6 and 2, respectively.
Note that Fig. 4.19c depicts a symbolic layout view of the distribution of the phases,
showing the sizes of metal strips and their distances. Figure 4.19d shows a lumped
LCR parasitics model for the actual transmission line used for routing the phases.
To create this model, two scenarios have been considered in a electromagnetic field
solver. The first one—depicted in Fig. 4.19e—considers a simple metal strip line

9 Due to the layout separation into different regions in order to reduce switching noise coupling, the
clock phases generator—located in the digital region—is placed far away from the switches where
the clock phases must be routed.
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Table 4.12 Parasitics for the
lumped LCR model in
Fig. 4.19d

LT (nH) CT (pF) RT (�)

0.362 0.132 170.2

embedded into two infinite ground planes while the second one—see Fig. 4.19f—
accounts for two additional strip lines surrounding the main line (coplanar strip line).
The technological information for the variables shown in both figures—together with
the distances between all strip lines and their sizes—are given to the field solver in
order to obtained two lumped models as the one shown in Fig. 4.19d for each scenario.
Finally, the worst-case value for each independent parameter in the model is further
considered. Note that the total bus length is taken as H +W /2 = 0.935 mm—see
Fig. 4.19a. Table 4.12 shows the value of the elements finally employed for Fig. 4.19d
model.
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Table 4.13 Number of inverters in the last column of Fig. 4.20

φ2d φ2d φ1d φ1d φ2 φ2 φ1 φ1

8 3 4 5 4 7 4 7

In order to avoid a substantial corruption of the clock phases—and thus of the
modulator performance—after routing and delivery to the corresponding switches
and digital gates, buffers to drive the corresponding loads are needed. Figure 4.20
shows the buffer tree employed for each clock phase where there is a set of levels
with increasing number of inverters in parallel whose values depend on the required
fan-out. In order to extract the necessary number of inverters for each clock phase,
first the addition of CL—with values given in Table 4.11—and CT is normalized to
8—maximum number of inverters at the last level. This way, Table 4.13 is obtained.
In addition, the whole modulator has been extensively simulated including the
obtained buffer tree in the previous step and the lumped LCR structure in Fig. 4.19d
for each phase and no appreciable degradation in performance has been observed
compared to a structure that does not account for routing parasitics. Note that even
when less than 5 inverters are required10, the last column is still used in order to
keep the same delay for each phase.

The resulting non-overlapping time, and the falling and rising phase delays are
approximately 0.24 ns, and 0.20 and 0.11 ns, respectively when accounting for the

10 In this case, the same functionality can be obtained removing the last level of inverters in the tree
and taking the phase from the previous level. However, the critical path would change.
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buffer tree and the LCR lumped model together with the clock phase generator. The
effective operation time for the sampling phase is 94.4 and 95.6% of half the clock
period for 80 and 40 MHz, respectively, the respective values for the integration
phase being 88.0 and 95.2%.

4.4.6.2 Bandgap

A bandgap is used for generating a 1.2-V temperature-independent voltage (Vbg)
that is later employed in the reference voltage generator and the master current
generator. Figure 4.21 shows the schematic used for this purpose. Note that the
circuit in the figure makes use of lateral bipolar transistors—available in standard
CMOS technologies. For zero temperature coefficients, (1 + R1/R2) · ln(n) must be
roughly 17.2 [Raza00]. This relation between pnp transistor units and resistors is
obtained in practice by choosing R1 = 5.5 k�, R3 = 1.125 k� and n = 24.

4.4.6.3 Reference Voltage Generator

The reference voltages required for the modulator operation—namely, Vref = V+
r −

V−
r = 1.2 V—can be obtained from the 1.2-V bandgap voltage Vbg as

V+
r − V−

r = Vbg (4.1)

Figure 4.22 shows that references V+
r , V−

r are obtained from a fully-differential
amplifier in inverting configuration with gain 1. Note that a buffer is needed for
taking the bandgap voltage Vbg. The fully-differential amplifier Vref-OP consists of
an asymmetric OTA with static CMFB net.

The main design considerations for the generation of these references are a fast
settling [Pies02] and a low output impedance in the V+

r , V−
r lines in order to avoid

dynamic distortion at the integrators [Ribn91]. A slow reference buffer approach has
been adopted together with an external large capacitor, so that the output impedance
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is below 4 � (required for GSM) along the signal band (up to 4 MHz for UMTS). The
external capacitor is connected between the reference voltages, valued according to
the (pad + wire + lead + pin) parasitics, so that the spurious components around half
the sampling frequency are removed from the differential reference voltage. Besides,
a damping network is used to remove references ringing.

4.4.6.4 Master Current Generator

The bias currents needed in the �� modulator are all internally generated, as illus-
trated in Fig. 4.23, from a single master current of 2 μA, provided by an external
600-k� resistor. This current is mirrored and properly scaled to bias all the amplifiers
in the integrators, the pre-amplifying stages of the comparators, and the common-
mode and reference voltage generators. Note that the adaptation of the amplifiers’
bias currents from one standard to another is based on switches as illustrated in the
scheme in Fig. 4.10. All the current tails of that schematic are generated using the
scheme shown in Fig. 4.23.
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Fig. 4.24 Common-mode
voltage generator

4.73kΩ
Vcm

Off-chip

+

-
Vcm -OP

4.73kΩ
60Ω

60Ω

60Ω

60Ω

22 F

5-pF anti-parallel

4.4.6.5 Common-Mode Voltage Generator

The common mode Vcm = 1.65 V is half of the 3.3-V supply voltage. Therefore, this
voltage is

Vcm = 1

2
(VDD − Vss) (4.2)

The circuit in Fig. 4.24 has been used to implement the required ratio of 1/2 in a
robust manner. This analog central voltage Vcm is obtained from a simple resistor
ladder, whereas a single-ended folded-cascode OTA is used to buffer the voltage to
the ��M. Note that a large external capacitor is necessary together with an on-chip
damping network to maintain stable Vcm despite all switching activity due to the
dynamic loading depending on clock phases.

4.4.7 Complete Modulator Simulation Results

The performance of the multi-standard ��M has been evaluated through sev-
eral transient electrical simulations at transistor level in CADENCE-SPECTRE
[Cade08]. The worst-case thermal noise corresponding to the modulator operation
on each standard has been incorporated into transient simulations by means of an
input equivalent noise source, with noise sequences generated in MATLAB.

Figure 4.25 shows the modulator output spectra for each operation mode for a
0.63 Vpd input tone, amplitude which is close to the modulator overload level
(−5.6 dBFS). Note that no harmonics are visible from the spectra obtained by elec-
trical simulation, what validates the careful analysis performed for the impact of
non-linearities on amplifiers and switches.



140 4 A 130-nm CMOS Reconfigurable 2-1-1 Cascade SC ��M for GSM/BT/UMTS

b

104 105 106 107

-120

-100

-80

-60

-40

-20

0

Frequency (Hz)

P
S

D
 x

 fr
eq

. b
in

 (
dB

)

0.63Vpd
@1MHz

104 105 106 107

-120

-100

-80

-60

-40

-20

0
P

S
D

 x
 fr

eq
. b

in
 (

dB
)

0.63Vpd
@53.7kHz

104 105 106 107

-120

-100

-80

-60

-40

-20

0

P
S

D
 x

 fr
eq

. b
in

 (
dB

)

0.63Vpd
@244.14kHz

a

c

Frequency (Hz) Frequency (Hz)

Fig. 4.25 Modulator output spectrum for a maximum amplitude input tone for: a GSM, b Bluetooth,
c UMTS

Table 4.14 Electrical simulation results for the reconfigurable ��M (0.63 Vpd input tone)

Figure 4.26 shows the modulator SNDR curve obtained for each standard by
incorporating into behavioral simulations the worst-case electrical parameters of the
modulator blocks after their complete designs at the transistor level.

Table 4.14 summarizes the electrical simulation results of the modulator perfor-
mance, which are in good agreement with those obtained by behavioral simulation.
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Fig. 4.26 Worst-case SNDR
curves obtained by behavioral
simulation after full transistor
sizing of the ��M blocks
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Fig. 4.27 Prototype implementation: a layout, b microphotograph

4.5 Layout and Area Distribution

The reconfigurable �� modulator has been implemented in a 130-nm 1-poly
8-metal digital CMOS process. The main parts of the prototype layout are depicted
in Fig. 4.27a, whereas Fig. 4.27b shows its microphotograph11. The floorplan of
the chip includes separate analog, mixed and digital supplies, as well as guard-rings
surrounding each section of the circuit. The modulator occupies 2.68 mm2 including
bonding pads (0.76-mm2 active area). In addition, several details on the layout
implementation of the chip are given below.

Figure 4.28 shows the area consumption computation divided into all main parts in
the modulator. Special attention has been paid to the area division of the integrators,
digital cells and analog auxiliary blocks—such as the bandgap, the references buffers

11 Only MiM capacitors and wide routing lines with stacked metal layers are visible after passivation.



142 4 A 130-nm CMOS Reconfigurable 2-1-1 Cascade SC ��M for GSM/BT/UMTS

INTEGRATOR #1

4,0E-2

3,5E-2

3,0E-2

2,5E-2

2,0E-2

1,0E-2

1,5E-2

5,0E-3

0,0E+0

O
PA

M
P

A
re

a 
(m

m
2 )

C
A

PA
C

IT
O

R
S

S
W

IT
C

H
E

S

C
M

F
B

R
ou

tin
g

Routing+Decoupling

Routing+Decoupling

Routing

INTEGRATORS DISTRIBUTION

INT1

INT4

INT2

INTs
INTs

INT3

A/D/A

A/D/A
ROM

ROM DIG

DIG
Analog Aux. Blocks Analog Aux. Blocks

DIGITAL BLOCKS

4E-2

5E-2

6E-2

3E-2

2E-2

1E-2

0E+0

C
LK

 P
ha

se
s 

G
E

N

P
ha

se
s 

B
uf

fe
rs

O
ut

pu
t B

uf
fe

rs

D
ec

ou
p 

C
ap

ANALOG AUXILIARY BLOCKS

1E-1
9E-2
8E-2
7E-2
6E-2

4E-2
5E-2

3E-2
2E-2
1E-2
0E+0

M
A

S
T

E
R

B
IA

S

B
A

N
D

G
A

P

R
E

F.
 B

U
F

F
E

R
S

E
m

pt
y 

S
pa

ce
s

A
re

a 
(m

m
2 )

A
re

a 
(m

m
2 )

Fig. 4.28 Area distribution of this prototype

and the master current generator. Note that part of the empty spaces of the modulator
building blocks are used to place decoupling capacitors or for routing.

The practical implementation of the layout follows the approach proposed in
[Rio06]. However, a set of building blocks have been laid out in a particular manner
in order to reduce coupling among all the different regions. This is summarized as
follows:

• The layout is divided into different regions, corresponding to the analog, mixed-
signal and digital parts of the circuit. As stated before, separate analog, mixed and
digital supplies are employed for this purpose. In addition, large guard rings (with
dedicated pads and pins) surround each section of the circuit. This well-known
strategy—commonly employed in high-performance mixed-signal chips—helps
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to reduce switching noise coming from the digital parts of the chip. Besides,
decoupling capacitors are extensively used throughout the chip for each supply
and its corresponding ground. Note that reference and common-mode buffers
make use of decoupling as well.

• The chip is fully differential, what, together with an extensive use of layout
symmetry and common-centroid techniques, helps to reduce common-mode
interferences.

• CMOS switches are implemented with single-finger transistors what helps to
avoid any crossing among digital and analog signals. This is done, in practice,
by routing the clock phase of the NMOS transistor in metal 3 in parallel to the
gate of the PMOS transistor of the transmission gate in polysilicon layer, where
the complementary phase goes. Note that analog signals are connected to the
diffusions of the transistors so there is no vertical cross coupling with fast clock
phases routed through the transistors gates. This is convenient to avoid switching
noise coupling in the analog signals.

• All digital clock phases, DAC control signals (Ai, Bi, C3 and D3 in Fig. 4.8,
for i = 1, 2 and 3) and the complementaries of all the former signals are routed
together in a clock phase bus (see Sect. 4.4.6). This bus is already routed twice for
enabling the top and bottom CMOS switches. As shown in Fig. 4.19c, two metal
strips of a dedicated ground are placed at both sides of each of these signals and
the corresponding complementary for isolation purposes. In fact, 0.5-μm spacing
is kept among all paths (from signal to signal or from ground to path) to reduce
cross coupling.

• Not only digital signals are routed based on a bus configuration. Analog supplies
together with the bias currents of the amplifiers and comparator preamplifiers
conform two buses that surround the amplifiers in the chip layout. Besides, the
reference and common-mode voltages go through a fully-differential bus inside
the area devoted to capacitors and switches.

Note that some auxiliary blocks such as the bandgap, and the common-mode and
reference voltage generators might not be used if the modulator is embedded in a
complete communication system or, at least, their functionality could be shared by
all the blocks of the overall transceiver. Moreover a dedicated voltage DC source
or, alternatively, the same one that provides the supply voltages12 could have been
employed for the generation of these references, as usually done for many ADC
prototypes. In case these blocks are not computed, the area occupation lowers to
only 0.65 mm2.

4.6 Experimental Results

The ��M samples has been packaged in a 44-pin CQFP and mounted on one 4-layer
PCB. A first order RC anti-aliasing filter whose corner frequency can be adjusted

12 In this case, a voltage adaptation of the 3.3-V supply to the 1.2-V reference will be needed.
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Fig. 4.29 First test set-up: a 93000 SoC test unit, b generic mother board, c specific mother board,
d main PCB (rotated views)

depending on the operation mode has been included on the PCB. The thermal noise
generated by this passive filter is well below specifications.

Two test set-ups have been used to measure the performance of the chip. The
original set-up, displayed in Fig. 4.29, uses three PCBs that are needed to connect
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Fig. 4.30 Measured spectra in the first test set-up for: a GSM, b Bluetooth, c UMTS

the chip to an Agilent 93000 SoC test unit that generates the input, the supplies, the
control and clock signals, and acquires the output bit streams of the modulator stages.
After the bit-stream acquisition, data are transferred to a workstation, in which the
digital cancellation logic is applied by software and the overall modulator output is
post-processed. Figure 4.30 shows the measured 65536-point Hanning-windowed
FFTs of the modulator output, for the different standard configurations, considering
a 58.6-kHz input sinewave with an amplitude of −9.5 dBFS. A certain amount of
non-linearity is appreciable in the measured spectra, which is originated in the input
signal conditioning at the PCB level. An SR770 FFT spectrum analyzer, that is
capable to process a single-tone signal with spurious below 90 dBc [Stan92], was
used to measure the input signal generated by the Agilent 93000 SoC test unit. A
similar amount of non-linearity to that in Fig. 4.30 was observed.

The measured SNDR curves with this test set-up are depicted in Fig. 4.31 for
each operation mode. The prototype achieves a dynamic range of 80.7 dB for GSM,
75.0 dB for Bluetooth, and 57.3 dB for UMTS, whereas the corresponding peak
SNDRs are 74.0, 68.4, and 52.8 dB. Note from Fig. 4.31 that the SNDR drops
prematurely due to the harmonic content of the input signal given to the prototype,
with the measured reductions of the peak SNDRs being 1.0 bit for GSM, 0.7 bit for
Bluetooth and UMTS when compared to the transistor-level simulation results in
Table 4.14.
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Fig. 4.31 Best SNDR plots
extracted from the first test
set-up
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Fig. 4.32 Photograph of the PCB for the second (and definitive) test set-up

Figure 4.32 shows the PCB used for the second experimental set-up that is used to
remove the induced distortion. Here, an Agilent A3631A unit generates the voltage
supply, while the input is generated by the ultra-low distortion Tektronix SG5010
audio oscillator. An SRS CG635 is employed for the clock signal and an Agilent
logic analyzer 16823B is used to acquire the output bit streams of the modulator
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Fig. 4.33 Measured spectra for: a GSM and Bluetooth, b UMTS

stages and to generate the control signals. A pattern generator, that is part of the
logic analyzer, is used for this last purpose. After bit-stream acquisition, data are
transferred to a workstation to be post-processed by software.

Figure 4.33 shows the measured 64 k-point Hanning-windowed FFT of the modu-
lator output for each standard, and for a single-tone input with −10-dBFS amplitude.



148 4 A 130-nm CMOS Reconfigurable 2-1-1 Cascade SC ��M for GSM/BT/UMTS

Fig. 4.34 Measured SNDR
curves
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The reconfiguration of the quantization noise shaping is clearly visible, together with
the domination of white noise for GSM and of quantization noise for UMTS within
the corresponding bandwidths. The spectra show less harmonic content compared
to those in Fig. 4.30. This translates into larger peak SNDRs. The measured SNDR
curves are depicted in Fig. 4.34 for each operation mode. The prototype achieves a
dynamic range of 83.8 dB for GSM, 75.9 dB for Bluetooth and 58.7 dB for UMTS,
whereas the corresponding peak SNDRs are 78.7, 71.3 and 53.7 dB. There is an
SNDR improvement of 3.7, 3.1 and 0.9 dB for GSM/BT/UMTS when compared to
the first experimental set-up. Therefore, this is the test set-up selected for the actual
experimental characterization and, eventually, for the comparison with the state of
the art.

Table 4.15 summarizes the most significant features of the measured performance
for the multi-mode ��M prototype, together with the power dissipation of the
different sections. The modulator power consumption is 23.9/24.5/44.5 mW for
GSM/Bluetooth/UMTS, of which 9.7/10.0/24.8 mW are dissipated in the analog
circuitry.

Experimental results are in good agreement with the transistor-level simulations
results provided by Table 4.14. Table 4.15 shows that there is an SNDR reduction
of only 1.3 and 2.3 dB for GSM and UMTS, respectively. By contrast, there is an
SNDR improvement of 1.3 dB for Bluetooth due to the use of multi-bit quantization
in the last stage of the cascade. A 1.5-dB SNDR improvement has been measured
when a 2-bit last-stage quantizer is used for BT rather than its nominal resolution of
only one bit. Although an approximate in-band quantization error reduction of 6 dB
is expected when increasing the resolution of the last-stage quantizer in one bit, this
does not translate into a direct SNDR improvement because of the thermal noise
contribution to the IBE power.
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Table 4.15 Summary of measured performance

4.7 Summary

This chapter introduces, firstly, a tool to extract the specifications of an ADC embed-
ded in a DRC for multi-standards applications. Besides, this tool allows the user to
include the performance of each RF and analog baseband building block and, later,
verify the receiver metrics.

Based on the information provided by this tool, a multi-mode �� modulator has
been presented that efficiently adapts its performance to the required specifications
of GSM, Bluetooth and UMTS standards. The chosen architecture is an expandable
��M made up of a first second-order stage followed by first-order stages where
dual quantization can be used for the last one.

The modulator is capable to vary the order of the loop filter, the sampling fre-
quency, the number of bits in the internal quantizer and the bias currents of its
amplifiers. The selection of the modulator topology for each standard of opera-
tion and the design of its main blocks relies on a top-down CAD methodology that
combines simulation and statistical optimization at different levels of the modulator
hierarchy. Furthermore, the topology of the different blocks is described and their
designs are presented at transistor level.

The prototype has been fabricated in a 130-nm CMOS technology and features
dynamic ranges and peak SNDRs of 83.8/75.9/58.7 dB and 78.7/71.3/53.7 dB within
200 kHz/1 MHz/4 MHz, respectively. As will be stated in Chap. 7, this prototype
achieves a competitive performance, while covering a wide conversion region of the
resolution-bandwidth plane.
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Note, however, that 4G receivers require a wider conversion region—especially
in terms of bandwidth—and a larger number of operation standards to be converted
in order to fuel more connectivity capabilities, necessary for this kind of multi-mode
wireless transceiver [Bran05]. To this purpose, next chapter will show an integrated
solution that covers the additional conversion of GPS, DVB-H andWiMAX operation
standards.



Chapter 5
A 1.2-V 90-nm CMOS Reconfigurable
2-2 Cascade SC ��M for GSM/BT/GPS/UMTS/
DVB-H/WiMAX

THE RECEPTION OF WIRELESS COMMUNICATION STANDARDS, such
as WiMAX or WLAN, together with those intended for cellular communication in
the same multi-mode chipset is usually considered the main achievement in the
evolution towards 4G transceivers [Bran05]. If additional wireless standards, such
as low-rate low-distance standards (ZigBee or Bluetooth), positioning systems (GPS)
or digital television (DVB-H), are included, the functionality of these types of devices
will be boosted.

This chapter shows the design, implementation and testing of a reconfigurable
�� modulator intended for 4G wireless telecom systems. The chip enables the
A/D conversion of GSM, BT, GPS, UMTS, DVB-H and WiMAX wireless standards
for a direct conversion receiver, while both the system architecture and the power
consumption of the modulator building blocks are adapted to the corresponding op-
eration modes. The modulator uses a cascade topology made up of unity-STF stages
and can adjust its loop-filter order to the operation mode by switching off the back-
end stage when needed. Furthermore, the modulator sampling frequency and the
bias currents of the opamps can be adjusted to reduce the overall power consump-
tion as well. The prototype is implemented in a 90-nm CMOS technology using a
low supply voltage of 1.2 V. Experimental measurements feature a dynamic range
of 78/70/71.5/66/62/52 dB within 100 kHz/500 kHz/1 MHz/2 MHz/4 MHz/10 MHz,
respectively.

The chapter is divided as follows. Section 5.1 describes the employed architecture
together with its system-level parameters, such as the in-loop coefficients. Section 5.2
presents the SC implementation of the modulator and discusses specific topological
issues. The transistor-level design of the embedded modulator building blocks is then
discussed in Sect. 5.3. Section 5.4 details the layout of the chip and describes the
main points in the PCB design phase. Finally, Sect. 5.5 provides the experimental
results.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 151
DOI 10.1007/978-1-4614-0037-0_5, © Springer Science+Business Media, LLC 2011
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Table 5.1 Modulator specifications

Standard GSM BT GPS UMTS DVB-H WiMAX

SNDR (dB) 75 70 65 60 55 50
BW (MHz) 0.1 0.5 1.0 2.0 4.0 10.0

5.1 Modulator Architecture

Compared to the prototype presented in the previous chapter, three additional op-
eration modes are included; namely: GPS, DVB-H and WiMAX. Table 5.1 shows
the specifications of all the operation modes considered for the ��M presented in
this chapter. The values of these specifications are extracted as an average of those
obtained from the SIMULINK toolbox described in Sect. 4.1 and those from open
literature. The functionality and conversion capabilities of this chip are expanded
compared to the one in Chap. 4, especially in terms of bandwidth. To do so, the
prototype incorporates a number of architectural improvements and reconfiguration
techniques. As well as presenting the chosen ��M architecture, this section will
also discuss the selection of its architectural parameters such as the values of the
in-loop coefficients.

5.1.1 Architecture Selection

The following points are important when selecting the architecture:

• Efficient operation for all the modes in the modulator (see specifications in Ta-
ble 5.1). Thus, low-bandwidth modes require high resolution, while high-speed
operation is needed for the modes with the largest bandwidths.

• Low-power requirements for the main building blocks in the modulator, such as
the opamps.

• This modulator will be implemented in a 90-nm CMOS technology with a low
supply voltage of 1.2 V, so low-voltage operation must also be taken into account
in the architectural selection.

• Easy architectural reconfiguration.

Figure 5.1 shows the block diagram of a �� modulator that presents a good trade-off
for all the aforementioned architectural requirements. This architecture is a cascade
with unity-STF stages—due to the use of feed-forward paths—that conform the
overall modulator. The quantization error of the first stage is extracted and later
transferred to the second stage through only one inter-stage node [I1(z)]. These types
of topologies—and their advantages—are discussed in Sect. 3.1.3. The main benefits
of these architectures, with the previously mentioned architectural requirements in
mind, can be listed as follows [Silv01, Silv04a, Hamo06, Yao06]:

• Reduced sensitivity to the non-idealities of the building blocks, especially opamp
non-linearities and large-signal parameters of amplifiers such as SR. This point
covers the first of the architectural requirements listed above (i.e., efficient op-
eration for all modes) because the high robustness against the building block
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Fig. 5.1 Block diagram of the reconfigurable ��M architecture

non-linearities helps to increase resolution (specially for low-bandwidth modes
whose DRs are usually dominated by thermal noise and peak SNDRs by distor-
tion). Low sensitivity to SR also leads to an efficient operation for high-speed
modes. In addition, the second architectural requirement (i.e., low power for
the modulator building blocks) also benefits from the low opamp requirements,
mainly in terms of DC gain, gain non-linearities and SR.

• Low internal node swings in the modulator or, analogously, reduced output swing
requirements for the opamps1. This simplifies the design of the opamps and, poten-
tially, leads to a lower power operation2 (see the second architectural requirement).
It also fuels low-voltage operation of the opamps in the modulator because of the
increase in the output voltage headroom (third architectural requirement).

• Overload levels are higher in comparison to those of conventional ��Ms,
as a consequence of the previous feature. Larger resolutions can therefore be
anticipated (see the first architectural requirement).

• Only one DAC is needed for the in-loop feedback operation. If the resolution of
the quantizers is adapted to the operation mode3, the circuit complexity will be re-
duced. This feature fulfils the fourth architectural requirement (easier architectural
reconfiguration).

• Simplicity for conformation of cascade topologies. The fourth architectural re-
quirement is also covered by this because the back-end stage can be either
connected or disconnected more easily. This leads to a simpler in-loop order
adaptation.

The topology in Fig. 5.1 therefore satisfies all the aforementioned architectural re-
quirements in terms of the efficient operation of a reconfigurable modulator with low

1 Note that these requirements also depend on the resolution of the embedded quantizers and the
values of the in-loop coefficients.
2 Consider the case in which, for instance, a two-stage opamp is needed rather than a single-stage
one because of the opamp output swing requirements.
3 This reconfiguration strategy is not used in this ��M but in that presented in Chap. 6.
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power and low supply in a multi-mode scenario. This architecture also has a number
of drawbacks [Ghar06, Tang07], namely:

• Analog adders are needed for the implementation of the feed-forward paths and
thus for the USTF in this modulator architecture. If a passive adder is used, there
will be a scaling factor implicit on the addition that needs to be compensated by a
voltage scaling in the quantizers references. An active addition4, on the contrary,
demands the use of an amplifier. This entails higher power consumption and can
potentially lead to an inefficient A/D conversion.

• Timing issues in the architecture. This is especially problematic when two paths
are used for the inter-stage connection in cascades made up of USTF stages.
Fortunately, the use of only one inter-stage path eliminates these issues (see
Sect. 3.3).

5.1.2 System-Level Parameters

There are many parameters to be explored for the architecture in Fig. 5.1 in a multi-
mode application. In the first place, the OSR, the in-loop order (L), the resolution of
the embedded quantizers (Bi), the reference voltage (Vref) and the in-loop coefficients
of the architecture (ci and aj)5 need to be considered. In theory, all these parameters
could be varied independently6 and according to the requirements of each mode.
However, such a scenario would lead to an extremely complex circuitry.

A number of reconfiguration strategies are included, taking advantage of the mul-
timode capabilities of the topology in Fig. 5.1. First, the OSR—which is the most
commonly employed reconfiguration strategy [Rosa09]—is adapted to the mode.
Second, L can be 4 but also 2 by switching off the last stage. The latter case corre-
sponds to a 2-2 cascade operation (as shown directly in Fig. 5.1) with the following
NTF:

NTF(z) = 1

d
· (1 − z−1)4 (5.1)

while a second-order single-loop ��M, in which the first stage in Fig. 5.1 is the
only one working, results in

NTF(z) = (1 − z−1)2 (5.2)

Both cases lead to STF (z) = 1. Note from Fig. 5.1 that the digital cancellation logic is
only employed in the 2-2 cascade configuration. The final values of these two design

4 The ��M presented in Chap. 6 uses this approach. More details on these kinds of analog adders
can be found there. By contrast, the ��M in Fig. 5.1 employs passive adders for power saving.
5 Note that some of these parameters—such as OSR, Vref or Bi—can be considered closer to the
electrical implementation than to the architecture itself. However, their values will influence the
performance of the overall modulator and could be reconfigured as well.
6 Of course, the integrator coefficients (ci) and the feed-forward coefficients (aj) are related as
described in (3.8) for every stage of the block diagram in Fig. 5.1. This will be addressed later.
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parameters (L and OSR) will be given in Sect. 5.1.4 for each mode. They will be
selected based on behavioral simulations.

Many system characteristics are influenced by the values of B1 and B2; e.g., the
power of the in-band quantization error, the output swing requirements of the opamps,
the modulator’s robustness against its building blocks non-linearities and opamp
large-signal parameters such as SR, the possible need for DEM techniques, and the
power and area consumption in the modulator. Fixed values of 3 levels for the quantiz-
ers of both stages in this ��M are used to simplify its circuit-level implementation.
Quantization errors, opamp output swings and SR, power and area consumption are
therefore all reduced compared to a single-bit solution [Paul87]. Furthermore, an
almost inherently linear DAC can be obtained with only one extra switch in the SC
feedback branch of the D/A conversion, so no DEM is required [Lewi92, Balm00,
Reut02]. The resulting electrical implementation of the ��M is thus simplified.

The reference voltage is taken as the supply voltage (1.2 V) to maximize the
modulator SNDR. The output swing requirements of the opamps must therefore be
lower than Vref, contrary to several reported modulators with a reference voltage
lower than the supply voltage. The selection of a reference voltage equal to the
supply makes the low-voltage operation of conventional cascade ��Ms difficult,
at least for medium-to-large input levels. For example, the reference voltage of the
chip presented in Chap. 4 is 27.5% lower than the supply voltage. This problem is
solved here with the combined use of a unity-STF architecture, multi-bit quantizers
and a proper selection of the in-loop coefficients as shown below.

5.1.3 Modulator In-Loop Coefficients

Not only the low-voltage operation of the modulator—provided by the opamp output
swing requirements—depends on the in-loop coefficients but also many other metrics
of the modulator performance, namely:

• Stability and output swing requirements of the opamps. The modulator’s over-
loading, the robustness against its building block non-linearities and the opamp
SR depend on the in-loop coefficients in a similar way.

• The equivalent loads of the opamps. Opamp dynamics are also determined by
the in-loop coefficients in the modulator. The design of this modulator has taken
this into account and low values of the equivalent capacitances were obtained, as
shown in Sect. 5.3.1.

• Thermal or kT/C noise. Its corresponding power can be affected by the coeffi-
cients under certain circumstances. Let us assume, for instance, that a minimum
capacitance of 50 fF is set for matching and there is an integration capacitance
of 100 fF. An integrator coefficient of 2 leads to a sampling capacitance of 50 fF,
while a coefficient of 0.5 results in a sampling capacitor of 200 fF. The latter
solution presents less thermal noise but larger capacitances are needed. Thus,
there is a trade-off between coefficients and capacitor values for matching, kT/C
noise and opamp dynamics.

• Area, because the number of unit capacitors in the modulator is directly related
to the values of its coefficients.
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Table 5.2 Relation of the
in-loop coefficients of the
block diagram in Fig. 5.1.
[Silv04a]

First-stage coefficients Second-stage coefficients

a1 = 2

c1
a3 = 2

c3

a2 = 1

c1 · c2
a4 = 1

c3 · c4

The same NTFs in (5.1) and (5.2) and a unity STF are respectively obtained for
the architecture in Fig. 5.1 for a 2-2 cascade and the first-stage in a single-loop
configuration, when the in-loop coefficients in Fig. 5.1 maintain the relations given
by Table 5.2. These relations define the feed-forward factors resulting from a scaling
on the integrator coefficients, as demonstrated in Sect. 3.1.3.

5.1.3.1 Exploration of the In-Loop Coefficients

An exploration of all the modulator in-loop coefficients that takes into account all
the aforementioned restrictions might lead to a very large design space. A complete
exploration should also look at other parameters that are closer to the electrical
level, such as the integrator sampling capacitors and opamp GB and SR. Given the
complexity of this analysis, simplifications are needed for a practical exploration of
this design space at the architectural level. To do so, the following set of restrictions
is considered:

• Only in-loop coefficients that are power of 2 are considered under the relation
given by Table 5.2 (see Sect. 3.1.3). This allows an easy implementation of the
modulator in-loop coefficients, while limiting the design space to be explored.
Furthermore, the inter-stage factor d is also restricted in the same way. The digital
coefficient 1/d (located at the output of the back-end stage) can therefore be made
with just shifting operations in a register of the digital cancellation logic in Fig. 5.1.

• Sizing parameters of the modulator building blocks, such as the values of the
sampling capacitors in the modulator, opamp GB and SR, are not taken into
account at this point although a set of strategies will be used later to reduce the
IBE power related with these metrics, such as large OSR to reduce kT/C noise
or low capacitor values to diminish the opamp equivalent loads. In fact, only the
opamp output swing requirements and the number of unit capacitors (N) will be
considered at this level.

SIMSIDES [Ruiz05] is used to perform the behavioral simulations necessary for
the exploration of the design space under the above-mentioned restrictions. First, a
single-loop configuration of the ��M in Fig. 5.1 is considered; i.e., the back-end
stage is assumed off and the number of unit capacitors (inter-stage path included) is
not considered either. As an illustration of the results of this procedure, Table 5.3 is
included. In this table, the values of c1 and c2 are taken from 0.25 to 4, while the
values of a1 and a2 are extracted from Table 5.2. The necessary unit capacitors N
(in a single-ended form) together with the required minimum output swings for the
opamps (OSi), normalized to the reference voltage, are given in Table 5.3. Shadowed



5.1 Modulator Architecture 157

Table 5.3 In-loop coefficients and opamps output swings in the first stage of Fig. 5.1
c1 c2 a1 a2 OS1(%) OS2(%) N

0.25 0.25 8 16 23.6 3.6 35
0.25 0.5 8 8 23.1 7.0 25
0.25 1 8 4 22.4 12.6 20
0.25 2 8 2 21.9 22.4 19
0.25 4 8 1 20.9 37.3 20
0.5 0.25 4 8 44.2 7.0 21
0.5 0.5 4 4 43.8 13.4 15
0.5 1 4 2 42.8 25.2 12
0.5 2 4 1 40.6 44.7 12
0.5 4 4 0.5 39.4 73.1 15
1 0.25 2 4 82.1 13.9 14
1 0.5 2 2 80.4 26.7 10
1 1 2 1 77.9 50.6 8
1 2 2 0.5 76.4 90.6 10
1 4 2 0.25 72.4 150.3 14
2 0.25 1 2 140.2 28.1 12
2 0.5 1 1 137.8 54.5 9
2 1 1 0.5 138.1 101.6 9
2 2 1 0.25 132.7 182.8 12
2 4 1 0.13 127.3 304.7 18
4 0.25 0.5 1 228.0 57.5 14
4 0.5 0.5 0.5 227.5 110.8 13
4 1 0.5 0.25 214.9 207.3 14
4 2 0.5 0.13 206.9 369.0 19
4 4 0.5 0.06 189.0 599.2 29

areas in the table correspond to those coefficients where the output swing is lower
than the reference voltage. The lower the integrator coefficients, the less output swing
requirements. As a rule of thumb, the farther ci and aj are from 1, the larger the number
of employed unit capacitors. There are some exceptions to this rule, mainly due to
the existence of an implicit scaling of a feed-forward coefficient on the inter-stage
connection of the cascade in Fig. 5.1. A clear example of this is given for the selected
in-loop coefficients in this design (more details can be found below). Values greater
than 1 for c1 entail output swings larger than Vref and, thus, greater than the 1.2-V
supply in this design, so these values will not be further considered. If c1 = 1, the
requirement on the front-end amplifier output swing is very large, while c1 = 0.5 does
not impose such a high value for the first-amplifier output swing requirements but
twice that of c1 = 0.25. This is why c1 = 0.25 is selected. Note from Table 5.3 that
the set of coefficients {c1, c2, a1, a2} = {0.25, 1, 8, 4}—highlighted in the table—is
a good trade-off, in which the opamps output swings are limited to low values and
N is not high.

All the in-loop coefficients of the scheme in Fig. 5.1 have now been considered.
Table 5.4 illustrates the behavioral simulation results when coefficients c3, c4, a3

and a4 are also included. However, these coefficients are limited to c1 = 0.25, and
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Table 5.4 In-loop coefficients and opamps output swings in Fig. 5.1

c1 c2 a1 a2 c3 c4 a3 a4
OS1
(%)

OS2
(%)

OS3
(%)

OS4
(%)

0.25 0.25 8 16 0.25 0.25 8 16 23.4 3.7 19.9 6.5 66
0.25 0.25 8 16 0.25 0.5 8 8 23.4 3.7 19.6 14.1 63
0.25 0.25 8 16 0.25 1 8 4 23.4 3.7 19.9 27.8 65
0.25 0.25 8 16 0.25 2 8 2 23.4 3.7 19.4 50.1 72
0.25 0.25 8 16 0.25 4 8 1 23.4 3.7 18.9 79.2 86
0.25 0.25 8 16 0.5 0.25 4 8 23.4 3.7 41.7 17.2 66
0.25 0.25 8 16 0.5 0.5 4 4 23.4 3.7 45.2 38.1 63
0.25 0.25 8 16 0.5 1 4 2 23.4 3.7 45.87 82.1 67
0.25 0.25 8 16 0.5 2 4 1 23.4 3.7 44.7 152.8 78
0.25 0.25 8 16 0.5 4 4 0.5 23.4 3.7 47.5 245.3 70
0.25 0.5 8 8 0.25 0.25 8 16 23.1 7.3 20.1 5.1 47
0.25 0.5 8 8 0.25 0.5 8 8 23.1 7.3 21.1 9.9 44
0.25 0.5 8 8 0.25 1 8 4 23.1 7.3 20.4 18.6 45
0.25 0.5 8 8 0.25 2 8 2 23.1 7.3 20.1 33.2 50
0.25 0.5 8 8 0.25 4 8 1 23.1 7.3 17.2 53.4 60
0.25 0.5 8 8 0.5 0.25 4 8 23.1 7.3 42.7 11.3 46
0.25 0.5 8 8 0.5 0.5 4 4 23.1 7.3 44.2 23.9 43
0.25 0.5 8 8 0.5 1 4 2 23.1 7.3 43.7 49.6 45
0.25 0.5 8 8 0.5 2 4 1 23.1 7.3 41.2 89.4 52
0.25 0.5 8 8 0.5 4 4 0.5 23.1 7.3 40.6 140.2 48
0.25 1 8 4 0.25 0.25 8 16 22.6 13.9 19.2 4.3 41
0.25 1 8 4 0.25 0.5 8 8 22.6 13.9 19.2 7.8 37
0.25 1 8 4 0.25 1 8 4 22.6 13.9 18.1 14.4 35
0.25 1 8 4 0.25 2 8 2 22.6 13.9 17.2 24.6 39
0.25 1 8 4 0.25 4 8 1 22.6 13.9 16.1 37.3 47
0.25 1 8 4 0.5 0.25 4 8 22.6 13.9 39.6 8.6 36
0.25 1 8 4 0.5 0.5 4 4 22.6 13.9 39.2 17.4 33
0.25 1 8 4 0.5 1 4 2 22.6 13.9 40.1 33.6 34
0.25 1 8 4 0.5 2 4 1 22.6 13.9 37.8 59.0 39
0.25 1 8 4 0.5 4 4 0.5 22.6 13.9 36.5 91.5 37
0.25 2 8 2 0.25 0.25 8 16 22.9 26.8 20.9 3.8 50
0.25 2 8 2 0.25 0.5 8 8 22.9 26.8 20.1 7.0 44
0.25 2 8 2 0.25 1 8 4 22.9 26.8 19.5 12.6 41
0.25 2 8 2 0.25 2 8 2 22.9 26.8 18.1 20.9 41
0.25 2 8 2 0.25 4 8 1 22.9 26.8 17.4 31.7 48
0.25 2 8 2 0.5 0.25 4 8 22.9 26.8 41.5 7.2 36
0.25 2 8 2 0.5 0.5 4 4 22.9 26.8 39.8 14.2 32
0.25 2 8 2 0.5 1 4 2 22.9 26.8 39.0 26.4 30
0.25 2 8 2 0.5 2 4 1 22.9 26.8 37.7 43.7 34
0.25 2 8 2 0.5 4 4 0.5 22.9 26.8 34.3 68.6 33
0.25 4 8 1 0.25 0.25 8 16 22.9 51.6 21.4 3.6 71
0.25 4 8 1 0.25 0.5 8 8 22.9 51.6 21.2 6.5 61
0.25 4 8 1 0.25 1 8 4 22.9 51.6 20.9 11.6 56
0.25 4 8 1 0.25 2 8 2 22.9 51.6 19.6 18.6 55
0.25 4 8 1 0.25 4 8 1 22.9 51.6 18.8 28.8 56
0.25 4 8 1 0.5 0.25 4 8 22.9 51.6 43.2 6.9 45
0.25 4 8 1 0.5 0.5 4 4 22.9 51.6 41.9 12.7 39
0.25 4 8 1 0.5 1 4 2 22.9 51.6 42.4 22.6 36
0.25 4 8 1 0.5 2 4 1 22.9 51.6 39.4 39.0 36
0.25 4 8 1 0.5 4 4 0.5 22.9 51.6 38.1 57.2 39

N
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c3 = 0.25 or 0.5 in Table 5.4 to show simulation results with low requirements
for the opamps output swing. Furthermore, an inter-stage scaling factor d = 1 is
selected because it entails no reduction in the power of the in-band quantization
error7—see 1/d term in (5.1), while the output swings in the back-end stage in the
modulator can be controlled with its coefficients8. In addition, higher values of d
impose a reduction in the last-stage coefficients. The rows in Table 5.4 are shadowed
for the set of coefficients in which all opamp output swings are lower than the
reference voltage. A last-stage set of coefficients identical to that initially considered
for the first stage—{c1, c2, a1, a2} = {c3, c4, a3, a4} = {0.25, 1, 8, 4}—represents
a good trade-off in terms of the requirements of the opamp output swing and the
total number of unit capacitors. Note from Table 5.4 that only 14 unit capacitors are
needed for the implementation of the last stage in-loop coefficients, while the first
stage requires the use of 22 unit capacitors. This reduction in the number of in-loop
coefficients in the last stage benefits from the fact that the inter-stage node I1(z) is
connected from the output of the second integrator to the input of the third integrator
and to the second-stage analog adder with effective coefficients d · a2 · c3 = 1
and d · a2 = 4, respectively. The in-loop coefficients of this analog adder are now
{d ·a2, a3, a4} = {4, 8, 4} = 4 · {1, 2, 1}; i.e., this set of coefficients can be simplified
to only {1, 2, 1} with an unit capacitor that is 4 times larger than the one originally
considered. This results in area saving (because of the lower N) or fewer capacitance
mismatches (due to the use of larger unit capacitors). In addition these coefficients
fit well with the recommendations previously given for the selection of topological
coefficients. To sum up, the in-loop coefficients {c1, c2, c3, c4} = {0.25, 1, 0.25, 1}
are those finally selected for this ��M, with output swings lower than 0.35V (almost
30% of the reference voltage) for Vref = 1.2 V and 2 × 35 unit capacitors.

Figure 5.2 also illustrates the required output swings for the opamps (OAi where
i stands for the opamp number in the modulator), considering two different sets of
coefficients in Table 5.4. The first set is the one selected for the modulator in Fig. 5.1
({c1, c2, c3, c4} = {0.25, 1, 0.25, 1}), while the second set provides output swings
for the fourth opamp greater than Vref. Figure 5.2a shows that the opamp output
voltages are always below 0.35 V—and most of the occurrences are inside the range
of ± 0.2 V—for the selected coefficients. Figure 5.2b shows the opamp output swing
requirements for the in-loop coefficients {c1, c2, c3, c4} = {0.25, 0.25, 0.5, 2}. A
maximum required voltage of roughly ±1.9 V is needed for the last case.

The topology in Fig. 5.1 presents constant opamp output swings for almost the
whole range of input levels, contrary to conventional cascades, in which the output
swing is proportional to the input amplitude [Nam05]. In fact, Fig. 5.3 depicts the
requirements of the opamp output swing when varying the input amplitude. Note
that the output swing requirements remain constant for input amplitudes lower than
−3 dBFS.

7 Section 4.2.1 illustrates that the systemic power loss of the in-band quantization error in the ��M
presented in Chap. 4 was 6 dB.
8 High values of d lead to either very low values of c3 and c4 or large output swings for the last-stage
opamps.
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Fig. 5.2 Opamp output swing requirements for: a {c1, c2, c3, c4} = {0.25, 1, 0.25, 1}, b {c1, c2,
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Fig. 5.3 Opamps output
swing requirements versus
input amplitude for the
selected in-loop coefficients
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{0.25, 1, 0.25, 1})
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5.1.4 Initial Modulator Sizing

The selection of the ��M architecture and the coefficients employed have been
detailed above. However, there are still a number of high-level parameters to be
chosen that will have a strong impact on the final performance of the overall mod-
ulator. Among them, the oversampling ratio and the modulator order (L)—either a
second-order or a 2-2 cascade—are the main ones to be considered for each operation
mode.

Large OSRs are used to reduce thermal noise in modes that require high-to-
medium resolution. However, the larger the OSR, the greater the sampling frequency.
This approach is therefore only valid for low-to-medium bandwidths. The maximum
sampling frequency has been limited to 240 MHz as a design choice. In practice,
larger values of the sampling frequencies are difficult to implement in SC ��Ms
due to the large opamp dynamic requirements, resulting in excessive power con-
sumption even when it is feasible technologically speaking. Alternatively, L can be
increased to obtain enough resolution since broadband standards are limited to low
OSRs. Narrowband modes—that use larger OSRs—can work with lower orders (a
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Table 5.5 Initial modulator high-level sizing parameters

Standard GSM BT GPS UMTS DVB-H WiMAX
L 42

OSR 200 80 60 30 15 12
fs (MHz) 40 80 120 240

second-order single-loop ��M) since thermal noise is limiting the resolution when
compared to the contribution of the quantization error to the overall IBE power.
Behavioral simulations, based on SIMSIDES [Ruiz05], were performed with these
considerations in mind. In addition, a first estimation of the main circuit non-idealities
was included in the behavioral simulations and a safe margin was taken in order to
fulfill the specifications given in Table 5.1.

The results of behavioral simulations, while also taking into account the afore-
mentioned criteria, lead to the values of L, OSR and f s presented in Table 5.5. The
values for OSR decreased with bandwidth and required ENOB. A single-loop topol-
ogy was used for bandwidths in the range from 100 kHz to 1 MHz and a cascade from
there up to 10 MHz of bandwidth. Although these parameters are found to be a good
trade-off for the respective operation modes in the modulator, the reconfiguration
strategies implemented in this ��M enables a flexible selection of their values in
each of the operation modes.

This high-level sizing of the modulator is the starting point for the SC implemen-
tation of the prototype. This will be described in the next section, which will also
deal with specific issues of the implementation of the architecture in Fig. 5.1 at this
level, such as a necessary scaling factor for the quantizer voltage references and the
timing of this architecture. Finally, a high-level synthesis is shown. It will be the
starting point for the later transistor-level design of the modulator building blocks.

5.2 SC Implementation and Related Issues

Figure 5.4 shows the conceptual SC schematic of the ��M in Fig. 5.1. The modulator
consists of two stages, each of them including two integrators, one analog adder and
a 1.5 bit—or 3-level—quantizer to implement the main path, whereas the DAC9

performs the in-loop feedback operation. Note that the digital cancellation logic (see
Fig. 5.1) is applied by software and is therefore not implemented on-chip.

Four different amplifiers (OAi in the figure) are used to implement the four
integrators in the cascade. Note that the required analog additions are based on
passive SC networks. The desired integrator analog coefficients {c1, c2, c3, c4} =
{0.25, 1, 0.25, 1}—and the subsequent feed-forward coefficients {a1, a2, a3, a4} =

9 The DAC operation is already performed at the sampling capacitors of the front-end integrator
controlled by digital signals Ai, Bi and Ci for each stage i. Note that the digital gates that generate
these control signals are grouped together in the DAC block in Fig. 5.4; though, formally this block
should be denoted as DAC control-signal generator.
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Fig. 5.4 SC schematic of the reconfigurable multi-standard ��M

{8, 4, 8, 4}—are implemented as capacitor ratios with selected values listed in
Table 5.6. Capacitor values are scaled depending on the integrator location. The
main purpose here is to reduce the opamp dynamic requirements by diminishing
the equivalent loads of the opamps, while keeping mismatches and thermal noise
contributions under control.

The main architectural reconfiguration strategy implemented in this ��M is the
adaptation of the order (L) that can be configured to be either 2 or 4 with the control
signal Ctrl (see Fig. 5.4). Thus, Ctrl switches all the sampling capacitors off in the
last stage by connecting all of them to the common-mode voltage when L = 2 and the
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Table 5.6 Capacitor values in Fig. 5.4

Capacitor Cs1 Ci1 Cs2 Ci2 Cin1 Ca1 Ca2

Capacitance (fF) 150 600 100 100 50 200 100
Capacitor Cs31 Cs32 Ci3 Cs4 Ci4 Cin2 Ca3 Ca4

Capacitance (fF) 400 100 400 100 100 200 400 200

back-end stage is not used. The integration and sampling operations in this ��M are
controlled by two non-overlapped clock phases (φ1 and φ2, respectively), and their
delayed and complementary versions. However, modified versions of these clock
phases are needed in order to avoid floating nodes at the capacitors. This way, the
appearance of dielectric relaxation [Fata90] is also avoided. To this purpose, phase
signals φ′

i , φ′
id and φ

′′
i are generated as shown at the bottom of Fig. 5.4. Digital

OR or AND operations are applied to the corresponding phase: Ctrl signal and its
complementary version (Ctrl), respectively. If Ctrl = ‘1’, the last stage switches will
be activated for φ′

1, φ′
2d and φ′′

2 , whereas these switches will be deactivated when
they are controlled by φ′

2, φ′
1d and φ′′

1 . In addition, the activation of the Ctrl signal
involves the turning off of the modulator building blocks of the last stage—such as
opamps and comparators—by means of a power-down control in order to save power
consumption.

5.2.1 Practical Implementation of Analog Adders

A SC passive architecture for the analog adders is the best solution in terms of speed
requirements when compared to an active solution since the latter entails the use of
amplifiers [Tang07]. This leads to a lower-power solution, specially for high-speed
operation modes [Gagg04]. However, the passive approach involves a number of
design constraints, namely:

• Input signal is compressed while being added. This effect is due to the implicit
capacitor divider present in the analog adder. This issue and its related solutions
will be discussed later.

• Contrary to amplifier-based active solutions, there is no virtual ground. The
influence of parasitics is therefore greater.

• Note that, regardless of the selected approach—active or passive—, capacitor
matching plays an important role that will be evaluated in Sect. 5.3.2.

5.2.1.1 Quantizer Scaling Factor

The use of passive SC analog additions involves a reduction of the full scale at the
quantizer input and, consequently, a compression of the references and the quantizers
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Fig. 5.5 Analog adder:
a SC implementation,
b configuration during
sampling phase

voltage levels to be used [Silv04b, Fuji06, Tang07]. Fig. 5.5 shows the schematic of a
generic analog adder (Fig. 5.5a) and its equivalent circuit during the sampling phase
(Fig. 5.5b), this phase being the one used to perform the actual analog addition. If
charge redistribution is considered for the capacitor divider shown in Fig. 5.5b, it
can be shown that the output voltage of the analog adder10 is given by:

vo = Cin1 · vin1

Cin1 +
N∑

i=2
Ca(i−1) + CL

+

N∑
i=2

Ca(i−1) · vini

Cin1 +
N∑

i=2
Ca(i−1) + CL

(5.3)

where CL is the capacitive load due to the input parasitic capacitances of the
comparators in the quantizer.

Let us assume that the only input signal is vin1. Then, there is a scaling factor α

over that input signal, defined as follows

α = Cin1

Cin1 +
N∑

i=2
Ca(i−1) + CL

(5.4)

Note that, ideally, the only signal path for the modulator input signal in the first-
stage analog adder is the one that corresponds to the vin1 node due to the unity-STF
implementation of the modulator. In fact, particularizing for the first-stage analog
adder in Fig. 5.4, the modulator input signal is scaled by a factor

α = Cin1

Cin1 + Ca1 + Ca2 + CL
(5.5)

where the capacitor load is given by the parasitics at the input of the in-loop quantizer.
If—in a first approximation—this capacitance is considered negligible, this factor
can be taken as a ratio between feed-forward coefficients, given by:

α = 1

1 + a1 + a2
(5.6)

10 This voltage is also the input of the embedded quantizer directly connected to the analog adder.
Therefore, this voltage is compared with the quantizer voltage tabs.
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Fig. 5.6 Analog adder
including parasitics:
a SC implementation,
b sampling phase

However, given the low values of the feed-forward capacitors in Table 5.6, this
approximation is not recommended for this specific case. Parasitic capacitances at
the input of the embedded quantizer therefore need to be included. Note that the
1.5-bit (or 3-level) quantizer is implemented with two comparators. Therefore, the
value of the analog adder load is extracted by adding the input parasitic capaci-
tance of the two preamplifying blocks at the comparator input (explained in detail in
Sect. 5.3.4). Actual preamplifier parasitic capacitances are estimated as 45 fF based
on AC simulations; thus, the scaling factor is

α = Cin1

13 · Cin1 + CL
= 0.0676 (5.7)

The presence of parasitics could modify the required value of α. In order to analyze
this, Fig. 5.6 shows the analog adder schematic with the inclusion of bottom- and top-
plate parasitic capacitances11, respectively denoted as Cpbi and Cpti in the figure. In
the actual addition, the influence of Cpbi can be neglected since—due to Kirchhoff’s
second law—these capacitors are shorted to the corresponding input voltage vini when
performing the addition operation. However, Fig. 5.6b shows that all capacitors
Cpti are in parallel configuration with CL. CL must therefore be updated now to
CL+∑

Cpti in (5.4). Taking this into account, and including the parasitic capacitances
of the switches with values shown in Sect. 5.3.3, α changes to 0.0655.

A preamplifying stage just before the comparator input with a gain equal to 1/α
(23.7 dB) can be included to compensate for signal attenuation. However, this pream-
plifier gain must be stable with any kind of variation such as those deriving from
temperature, supplies ringing and technological variations. Furthermore, this so-
lution would demand a power-hungry amplifier with very large output swing and
high-speed operation. An SC active implementation of the analog adder could have
similar requirements in terms of power but no compression over the output voltage of
the analog adder, so it could be considered as a feasible alternative. However, there is
still a power-saving strategy, in which the attenuation factor α is not compensated but
the reference voltages of the quantizer resistor ladder are scaled by α. This scaling

11 Note that these parasitic capacitances account not only for the parasitics of the sampling capacitors
but also for the parasitic capacitances of the associated switches.
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Fig. 5.7 Quantizer references compression versus IBE power: a GSM (L = 2 and OSR = 200),
b WiMAX (L = 4 and OSR = 12)

factor is performed via an on-chip resistor ratio. Nevertheless, a factor α = 0.0655 is
difficult to implement accurately following this procedure. For instance, this value
can be implemented as a 131-to-2000 resistor ratio. In practice, this ratio would
require a huge amount of elements and area. A scaling factor of 0.0625 is selected
because of its simpler implementation and closeness to the former value; indeed,
only a 2-to-32 ratio is needed.

Let us consider the 2-2 cascade ��M with SC schematic in Fig. 5.4. Now, there
is more than one passive analog adder. Thus, the analytical approach described above
for extracting the scaling factor of the first-stage analog adder (α1)—denoted above
as α because only one analog adder was considered—is not directly applicable to
that of the second stage (α2). The reason is that the first-stage analog adder presents
a capacitor divider directly over the modulator input signal, while the second-stage
analog adder, on the contrary, processes the quantization error of the first-stage quan-
tizer in the cascade. The evolution of the IBE power with the scaling factors α1 and
α2 is simulated with SIMSIDES [Ruiz05]. The simulation results are depicted in
Fig. 5.7a, b for GSM and WiMAX operation modes, respectively. This figure shows
that, fortunately, the same value of 0.0625 for both scaling factors gives the minimum
IBE power in GSM and WiMAX. In addition, this result simplifies circuit implemen-
tation because only one resistor ladder is needed. However, this small scaling factor
imposes strict requirements on the comparators input offset [Silv04b]. If there were
no compression over the quantizer full scale, the maximum allowable comparator
offset with no degradation in the power of the in-band quantization error would be
the differential reference (2 ·Vref) divided by the number of elements of the quan-
tizer (K) and 2; i.e., half LSB of the A/D conversion. However, when compression
is needed, the maximum comparator offset requirement is directly multiplied by this
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Fig. 5.8 Timing operation of the modulator building blocks in Fig. 5.4

scaling factor α = α1 = α2 = 0.0625 [Nam05, Tang07]; in our case:

Offset <
2 · Vref

2 · K
· α = Vref

K
· α = 25 mV (5.8)

this maximum offset level of 25 mV constituting an additional constraint for the
comparator design. This issue can be relieved by design—as done here and explained
in Sect. 5.3.4—and/or using auto-zeroing [Enz96a, Figu09].

5.2.2 Timing

In order to build the cascade topology in Fig. 5.1, the input of the first-stage
embedded quantizer and that of the DAC could have been subtracted to extract the
corresponding quantization error and give it to the back-end stage, as usually done
in conventional ��Ms (see, for example, the scheme in Fig. 4.7) [Mats87, Long88,
Chou89, Rebe90]. However, this solution is not feasible in the SC implementation
of Fig. 5.1 (see Fig. 5.4) due to timing problems related with the feed-forward
paths addition of the two stages in a cascade modulator. This would create a
synchronization issue as described in Sect. 3.3.2, and, consequently, both the NTF
and STF would change. A unity STF in the last stage can therefore only be used
when the quantization error from the previous stage is given through only one path
and this signal is thus available for the last-stage analog addition operation on time,
as already done in the scheme of Fig. 5.1 and in its SC implementation of Fig. 5.4.

Figure 5.8 summarizes the distribution of the timing operations in the modulator.
During sampling phase (φ1):

• Integrators sample their input signals.
• Analog adders perform the actual addition via a capacitor divider.
• At the very end of this phase, when the value of the addition is stable at the input

of the comparator preamplifier, the comparator regenerative latch is triggered to
perform the comparison. This is done with the rising edge of phase φ̄1d .
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Table 5.7 In-band thermal noise power

Standard GSM BT GPS UMTS DVB-H WiMAX

PTN,kT/C (dB) −86.5 −83.4 −82.4 −82.7 −77.0 −72.5
PTN,Opamp+kT/C (dB) −84.2 −77.1 −73.9 −75.5 −69.8 −65.2

During integration phase (φ2), the following operations are performed:

• The embedded quantizer retains the same value taken from comparison in the
previous phase φ1.

• DAC performs the feedback operation.
• Integrators integrate the difference between the previously sampled signal and

that fed back by the DAC.

5.2.3 High-Level Synthesis

The values of the sampling capacitors are scaled12 according to their location on the
modulator chain since the thermal noise contribution of each integrator—through
the kT/C noise of its sampling capacitor—is high-pass filtered with an order equal
to the number of the preceding integrators in the modulator. This is done to reduce
the opamps’ equivalent loads at each phase. However, a minimum capacitive value
of 50 fF was selected to avoid appreciable SNDR degradations due to capacitor
mismatches. The first-integrator sampling capacitor is set to 150 fF, which together
with an OSR of 200 is enough to keep the power of the thermal noise contribution
below the IBE power required for GSM mode. Table 5.7 shows the in-band thermal
noise power, including the budget devoted to the kT/C noise given by the sampling
operation of all capacitances in the modulator and the equivalent input noise of the
opamps. Initially, very large values of 80nV/

√
Hz are considered in all the modulator

opamps for GSM, BT and GPS, with 40nV/
√

Hz for UMTS, DVB-H and WiMAX.
These opamp input equivalent noise values are used to extract the values in Table 5.7
by behavioral simulations in SIMSIDES [Ruiz05]. However, only kT/C noise will
be considered for the rest of the behavioral simulations in this section13.

The dynamic requirements of the opamps are also simulated in SIMSIDES. These
requirements are included in the SIMULINK model of the modulator through a set of
values for the amplifier GB, SR, the equivalent loads, and switches on-resistances14.
Note from Table 5.6 that very small capacitors are used in order to reduce the
equivalent capacitor values (see Sect. 5.3.1).

Unity-STF ��M topologies lead to the use of low-to-medium opamp gains with
no appreciable SNDR degradation [Hamo06, Yao06]. This is specially beneficial

12 Scaling refers here to the reduction of the capacitor value for minimum opamp loads up to the
point at which thermal noise and mismatching start playing an important role.
13 The thermal noise power extracted from this procedure, is later included in the modulator electrical
model in SPECTRE via an input source. The data provided to this source is taken from a MATLAB
routine that generates a temporal white-noise sequence for the corresponding noise PSD.
14 The switches on-resistances slow down the dynamic operation of the opamps [Rio06].
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Fig. 5.9 Evolution of the in-band error power with the DC gain of the modulator opamps

with technological scaling, where the transistor intrinsic gain and, subsequently, that
of the amplifier get lower and lower [Sans06]. Figure 5.9 illustrates this by depicting
the IBE when the DC gain of all opamps in the modulator is varied. Note from Fig. 5.9
that only 2 or 3 dB of degradation in the IBE—compared to its minimum value—can
be observed for DC gains of approximately 35 and 45 dB in the single-loop and
cascade configurations, respectively.

Amplifiers gain non-linearities and SR are not considered at this step of the
modulator synthesis since their effects are highly attenuated by the employed topol-
ogy shown in Fig. 5.1 [Silv01, Silv04a, Silv04b, Goth02]. Note similar behavioral
simulations, like the ones shown in the case study in Sect. 3.2 (see, for example,
Fig. 3.22). These effects will be evaluated when the electrical building blocks are
already designed.

5.3 Electrical Design of the Building Blocks

This section gives details on the design of the amplifiers and their capabilities to
adapt their performance, the design of switches, capacitors and comparators. It then
goes on to describe the implementation of the 1.5-bit quantizer and the electrical
design of other auxiliary blocks, such as the clock phase generator.

5.3.1 Amplifiers

Figure 5.10 depicts the schematic of the amplifier. It consists of a folded-cascode
topology in order to boost its speed operation—necessary for wideband modes such
as WiMAX, while medium-to-low DC gains are needed. All the opamps in the
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Fig. 5.10 Folded cascode amplifier: a core, b SC common-mode feedback net

modulator (OA1-OA4 in Fig. 5.4) share the same transistor sizes, the only difference
being that the bias current of each amplifier can be adjusted independently of the
others. Power-down transistors, shown in Fig. 5.10a in grey, are used in OA3 and OA4

in order to turn them off when the back-end stage is not needed. Note that a PMOS
input differential pair is employed to cancel substrate body effect out and thus make
the amplifier less sensitive to switching noise coupling coming from the modulator
digital part [Arag99, Char01]. In addition, an SC common-mode feedback net is
used to stabilize the amplifier output common-mode voltage as shown in Fig. 5.10b.

5.3.1.1 Adaptation of Amplifier Performance

The performance of each amplifier in the ��M is adapted from one operation mode
to another by varying its bias current (IB in Fig. 5.10) independently of that of the
others. Figure 5.11 illustrates the flexibility of the opamps, showing the adaptability
of GB (Fig. 5.11a), output swing (OS) (Fig. 5.11b) and finite DC gain (Fig. 5.11c)
as a function of the consumed power. These simulations include the values of the
best, nominal and worst cases that result from a corner analysis, considering fast
and slow device models, ± 5% variation in the 1.2-V supply and temperatures in the
range [−40◦C, +85◦C]. The power consumption of every opamp for each operation
mode is directly related to its bias current, which also determines the corresponding
SR and non-linear behavior. Non-linearities will be studied further below on, where
opamp non-linear gain is examined as a function of the bias current.

Table 5.8 presents the resulting equivalent capacitive loads of the integrators
during both sampling and integration phases. These capacitive loads—denoted as
Ceq,s and Ceq,i, respectively—are defined in [Rio06] as

Ceq,s = Cp + (CL + Csn1 + · · · + Csnj)

(
1 + Cp

Ci

)

Ceq,i = Cp + Cs1 + · · · + Csi + CL

(
1 + Cp + Cs1 + · · · + Csi

Ci

)
(5.9)

where Cp and CL, Ci, Csnj and Csi stand for the input and output parasitic capacitances
of the opamp, the integration capacitance, the sum of all the capacitances of the
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Fig. 5.11 Illustrating opamp performance adaptability on: a GB, b output swing, c DC gain,
d output current

Table 5.8 Equivalent capacitor loads for each integrator
Eq. capacitance L Int. #1 Int. #2 Int. #3 Int. #4

4
0.825 2.250 0.892 0.750

0.360 0.390 0.755 0.390

2
0.825 0.750

0.360 0.390

Ceq s,
Ceq i,
Ceq s,
Ceq i,

sampling circuits connected to the corresponding integrator (i.e., SC branches of the
following integrators and analog adders) and the sampling capacitors of the integrator,
respectively.

The capacitor values given in Table 5.6, assuming parasitics capacitors of 100 fF
at the opamp input and of 40 fF at the output, are used to obtain the data given in
Table 5.8. Note that the modulator order also determines the equivalent sampling
load of the second integrator since its output is connected to one of the sampling
capacitors of the third integrator and another of the last-stage analog adder only in a
MASH configuration, Ceq,s being 3 times greater in the latter case compared to the
single-loop configuration.

The equivalent loads for the second integrator in the 2-2 cascade ��M are used
to illustrate opamp dynamics performance as a function of bias current, as shown in
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Table 5.9 Results for the amplifiers performance obtained by electrical simulation
IB (μA) 5 10 20 30 40 50 60

DC gain (dB) 45.8 45.6 45.2 44.7 43.9 43.1 42.1
gm (mA/V) 0.77 1.27 1.95 2.43 2.82 3.13 3.38
GBi (MHz) 314 518 796 992 1151 1277 1379
GBs (MHz) 54 90 138 172 199 221 239
Phase margin 62.7º 65.6º 68.7º 70.4º 72.2º 73.1º 74.0º
Io (μA) 43 94 198 304 410 518 625
SRi (V/μs) 48 106 225 349 472 598 724
SRs (V/μs) 5 12 25 39 53 67 81

 (pF) 0.39

 (pF) 2.25

Output swing (V) 0.96 0.91 0.82 0.76 0.69 0.64 0.59
Input cap. (fF) 74 77 79 81 82 83 84
Output cap. (fF) 26 20 14 12 10 9 8

Eq. input noise 9.6nV/Hz1/2 8.0nV/Hz1/2 6.9nV/Hz1/2 6.5nV/Hz1/2 6.3nV/Hz1/2

Power (mW) 0.27 0.53 1.00 1.50 1.90 2.35 2.80

Ceq i,

Ceq s,
± ± ± ± ± ± ±

Table 5.9. To this purpose, the on-resistance of the switches for the integrator whose
equivalent loads are computed (Ron) and that of the next sampling SC branches—with
a total sampling capacitance of Cns—connected to the integrator output node (Rnon)
are taken into account in the GB and SR calculation, giving rise to the following
figures—which take into account the opamp GB and SR, the on-resistances of the
switches and the operation clock phases (both sampling and integration)—defined
in [Rio06] as follows

SRi =
(

1 + Cp + Cs

Ci

)
Io

Ceq,i
SRs =

(
1 + Cp

Ci

)
Io

Ceq,s
(5.10)

GBs,on = GBs

1 + GBs · 2RnonCns
GBi,on = GBi

1 + GBi · 2RonCs
(5.11)

with GBi and GBs defined as

GBi = gm

Ceq,i
GBs = gm

Ceq,s
(5.12)

Table 5.9 also includes other simulation results such as DC gain, transconductance
(gm), current at the opamp output branch (Io), output swing, input and output para-
sitic capacitances, equivalent input thermal noise and, finally, power consumption.
Table 5.10 shows a polynomial approximation for the main parameter results of the
amplifier as a function of the bias current IB. Once the opamp has been already
designed, these equations can be included in behavioral models in order to perform
very fast parametric simulations with only one variable (IB) per amplifier and used
for verification purposes in the design phase. This procedure will be updated with
opamp non-linearities further on.

Finally, it should be noted that the IB of each amplifier—and comparator
preamplifier—is adapted through an adjustable off-chip network of potentiometers.
This will be addressed in Sect. 5.3.7.
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Table 5.10 Polynomial approximation of the main amplifier features for the nominal case

Cout (fF) 1.19 · 1027 · I6
B − 4.63 · 1023 · I5

B + 7.01 · 1019 · I4
B − 5.22 · 1015 · I3

B+
2.00 · 1011 · I2

B − 3.88 · 106 · IB + 43.1

Cin (fF) −9.47 · 1017 · I4
B + 2.58 · 1014 · I3

B − 2.34 · 1010 · I2
B+

9.33 · 105 · IB + 68.71

ADC (dB) −7.49 · 108 · I2
B − 2.92 · 104 · IB + 46.37

I0 (μA) 6.10 · 109 · I2
B + 1.02 · 107 · IB − 6.26

gm (mA/V) 4.11 · 1012 · I3
B − 1.08 · 109 · I2

B + 1.02 · 105 · IB + 0.24

OS+ (V) −4.03 · 1011 · I3
B + 9.65 · 107 · I2

B − 1.16 · 104 · IB + 1.02

OS− (V) 4.03 · 1011 · I3
B − 9.65 · 107 · I2

B + 1.16 · 104 · IB − 1.02

5.3.1.2 Opamp Non-linear Gain

Figure 5.12 shows the evolution of the amplifier output with the input voltage for
different bias currents. A zoom over the central region covers an output voltage range
slightly larger than the maximum given by the behavioral simulations in Fig. 5.2a
(±0.35 V). It can be observed that an increase of IB entails a degradation of the
amplifier linearity. However, the reduced amplifier output swings (0.35 V in the
worst case) lead to high linearity in the whole range of output voltages for bias
currents below 50 μA. This is better observed in Fig. 5.13 where the opamp gain is
depicted versus its output voltage.

In general, a set of several input voltages should be considered in order to depict
SNDR curves for all operation modes, while also exploring the different values of
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Fig. 5.14 Fourth-order polynomial approximation to opamp gain for: a IB = 10 μA, b IB = 60 μA

IB for the four amplifiers in the modulator one by one. Such a huge design space
cannot be explored based on transient simulations in order to have a reasonable
time to market for a product based on these systems. Exploration must be based on
behavioral simulations because of the simulation speed improvement of the last case
[Wolf97]. The impact of gain non-linearities can therefore be included in behavioral
simulations for evaluating their effect in very fast simulations. In our case, SIMSIDES
[Ruiz05] is used, which allows the designer to include opamp gain non-linearities
with a fourth-order polynomial equation as defined in (3.23).

A fitting function in natural units is used for the gain approximation based on (3.23)
for the whole amplifier output swing obtained by behavioral simulations ( ± 0.35 V).
Figure 5.14 illustrates this for IB = 10 μA and IB = 60 μA.
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Table 5.11 Polynomial approximation for coefficients in (3.23)

Av 2.02 · 10−4 · I3
B − 3.77 · 10−2 · I2

B + 1.07 · IB + 149.38

Avnl2 (%) 6.530305 · 10−8 · I6
B − 1.602393 · 10−5 · I5

B+1.48553 · 10−3 · I4
B

−6.72407 · 10−2 · I3
B + 1.56177 · I2

B − 17.6448 · IB+65.3041

Avnl4 (%) −4.6137 · 10−7 · I6
B + 1.1775 · 10−4 · I5

B − 1.1329 · 10−2 · I4
B

+ 5.2459 · 10−1 · I3
B − 12.5180 · I2

B + 143.2500 · IB − 61.0220

Figure 5.15 shows the evolution of ADC and Avnli—respectively defined as opamp
DC gain and non-linear gain factors in (3.23)—with IB. Note that odd-order non-
linear coefficients are zero in the approximation; in other words, the approximation
consists of even-order polynomials. Table 5.11 gives the extracted symbolic expres-
sions to obtain ADC and Avnli as a function of IB. Once this methodological procedure
has also been completed for the amplifier non-linear gain, the main amplifier fea-
tures obtained by electrical simulation at the transistor level can be approximated
with the equations in Tables 5.10 and 5.11. They can then be included in behavioral
simulations, with IB being the only parameter to be swept for each amplifier.

Behavioral and transistor-level simulations suggest that good results are obtained
with bias currents of 42.5 μA, and 34 and 19 μA for the first-stage amplifiers, and
the third and fourth amplifiers, respectively in WiMAX mode. The bias currents
of the amplifiers in the remaining modes are always below 40 μA. Furthermore,
Fig. 5.13 shows that low currents need to be selected for high-linear opamp response
but low speed (see Table 5.9). High currents, however, are used for higher opamp
speed requirements but worse linearity. This trade-off is convenient for our purposes
since, on the one hand, low currents are used for narrowband standards where high
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linearity and low speed are needed. Besides, power consumption is reduced in this
case. On the other hand, wideband standards, in which speed is the main feature to
be exploited and the power budget is greater, non linearities are not so influential
given the lower resolution requirements.

5.3.2 Capacitors

Metal-oxide-metal (MoM) structures were used to implement the capacitors in
the modulator for several reasons. First, this type is more area efficient than other
solutions such as MiM capacitors. Second, this capacitor structure is compatible
with standard digital CMOS processes—unlike, for instance, MiM capacitors that
need specific layers and, thus, additional technological steps during manufacture,
available only in the mixed-mode/RF process of the employed technology. MoM
capacitors rely on coupling capacitance between metal fingers running in parallel.
Metal layers are stacked from metal 1 to upper metal layer to increase capacitance.
The 90-nm technology used for this prototype allows the use of a minimum number
of metal layers of 3 and a maximum number of 6. In this design, all the 6 available
metals are used for maximum capacitance density. The width and spacing of the
metal fingers are fixed to the minimum dimensions; i.e., 0.14 μm, in order to achieve
maximum capacitance density. The number of fingers per metal layer is limited to
an even number in order to obtain a symmetric capacitor.

This kind of capacitor exhibits good matching (less than 0.1% for the selected
unit capacitors) and small bottom-plate parasitics (less than 5%). Only 2 × 35 unit
capacitors are needed—as suggested by Table 5.4—to implement the �� modulator.
Figure 5.16 illustrates how the unit capacitors are arranged. The arrangement is
based on common-centroid arrays and closely placed units with the extensive use of
dummies to ensure similar surroundings for each unit capacitor15.

To evaluate the influence of capacitance mismatches, behavioral simulations are
conducted with SIMSIDES [Ruiz05]. Figure 5.17 illustrates how the SNDR curves
change for a 100-run Monte Carlo simulation performed for the architecture in
Fig. 5.4 when a 0.1% standard deviation is considered for all the capacitors that con-
form the actual SC implementation. The impact on the peak SNDR is also zoomed
in the figure. Figure 5.18 shows the variation of the peak SNDR against capacitor
mismatches for GSM and WiMAX modes. As expected, the impact of capacitor mis-
matches is greater for WiMAX—in which quantization error dominates and noise
leakages influence the performance of the cascade—than for GSM—in which thermal
noise dominates the IBE of the single-loop modulator.

15 In order to keep a perfect common-centroid structure for the first analog adder, the unit element
of Ca1 that is farthest from Cin1 in the same row should have been placed at the location of Cin1,
and Cin1 at the gravity center of the structure. However the approach in Fig. 5.16 is recommended
because Ca1 is made up of 8 elements and Cin1 of only 1, and placing Cin1 at the actual structural
center will entail an increase of the structure and, thus, in the area as well. Therefore, Cin1 is placed
as close as possible to the gravity center of the structure, while Ca1 only has 1 out of 8 elements
that is not correctly placed for a common-centroid distribution.
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Fig. 5.16 Representation of the layout of unit capacitors (D stands for dummy)
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Fig. 5.17 SNDR variation with a 0.1% standard deviation in all capacitors for: a GSM, b WiMAX

5.3.3 Switches

All switches used in the modulator are standard-threshold CMOS transmission gates,
with no need for boot-strapping. They have been designed taking into account the
trade-off between the non-linear on-resistance and its associated drain/source para-
sitic capacitances (Cdd/Css). Figure 5.19 shows the on-resistance variation with the
DC voltage level. A ratio of WPMOS/WNMOS = 3.125 leads to a resistance plot
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Fig. 5.19 On-resistance versus voltage level: a WPMOS = 12 μm, b WPMOS = 6 μm

centered on the common-mode voltage (0.6 V). A switch on-resistance with a mean
value of 147 � can be tolerated in the first, third and fourth integrators, while values
in the range of 285 � can be used for the second integrator and analog adders to
give low parasitic capacitances. All switch transistor sizing and the corresponding
electrical simulation results are summarized in Table 5.12.

Switch linearity has been evaluated following the procedure described in
Sect. 4.4.3. To this purpose, the schematic in Fig. 4.15b is simulated at transistor-
level, considering an input sinewave with an amplitude equal to the reference level
and a frequency at 1/3 of the considered standards BW. Figure 5.20 depicts the re-
sults for GSM, where high linearity is required within a narrow BW, and WiMAX,
where resolution is low but the signal band is wide. Switches with WPMOS = 12 μm
are considered for these simulations and the obtained THD is equal to −125.9 dB
for GSM and −82.5 dB for WiMAX. Thus, the resulting harmonic distortion is well
below that required by the modulator operation.
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Table 5.12 Switch sizing and electrical simulation results

Int. #1 Int. #2 Int. #3 Int. #4 Adder #1 Adder #2
WPMOS (μm) 12 6 12 6
WNMOS (μm) 3.84 1.92 3.84 1.92
LCMOS (nm) 80
Ron (Ω) 147 285 147 285
Cdd (fF)
Css (fF) 30.63 15.46 30.63 15.46
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Fig. 5.20 Distortion due to non-linear sampling for an input tone of 0-dBFS input power: a GSM,
b WiMAX

5.3.4 Comparators

The comparator comprises three blocks; namely, a preamplifying first stage, a regen-
erative latch and a set-reset latch to store the voltage given by the former latch. The
schematics of the preamplifiers and the regenerative latch are different from those
used in the comparators in Chap. 4. The current regenerative latch operates faster
(approximately 10 times), as can be observed by comparing the electrical simulation
results in Sect. 4.4.4 and those presented in this section.

Figure 5.21 depicts the scheme of the preamplifying stage. Its design aims to
fulfill several goals; namely, to obtain a high DC gain—since this helps to reduce the
comparator input referred offset—, a low kick-back noise on the modulator and high
speed, while retaining a low parasitic input capacitance. This capacitance plays an
important role in the quantizer scaling factor α as shown in (5.7). In fact, the larger
its value, the lower α and, consequently, the more demanding the comparator offset
requirements too. This last trade-off shows that augmenting the preamplifier DC gain
should not be done exclusively by increasing the size of the input differential pair
transistor (M1 in the figure)—in order to increase gm—for a given bias current (IB),
because this would imply an increment of the preamplifier input parasitic capacitance
as well. It is therefore very important to obtain a high output resistance. To this
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Fig. 5.22 Comparator schematic: a regenerative latch, b set-reset latch

purpose, transistors M4 and M5 are included. These transistors are used as resistors—
biased, thus, in linear region—with a high mean resistance of 100 k�, given by a
very low aspect ratio of 0.2.

The outputs of the preamplifier are connected to the regenerative latch and later
to the set-rest latch to keep the previously compared value stable. Figure 5.22 shows
the schematic of both the regenerative latch [Wang00] and the set-reset latch. The
regenerative latch works as follows: let us suppose that strobe is initially at ground
voltage, so that switch Sn1 is off, switches Sp1, Sp2, Sp3 and Sp4 are on, and the
internal nodes Rn, Sn, X, and Y are pre-charged at the supply voltage. When strobe
triggers to a logic one, Sn1 turns on and transistors M1 and M2 will process the
differential output of the preamplifier. After a short time, one of the input differential
pair transistors will turn off depending on the sign of the input voltage imbalance.
Given that transistors M5-M8 are initially off, the resulting differential current will



5.3 Electrical Design of the Building Blocks 181

Fig. 5.23 Illustration of the
bisectional method algorithm

first flow through the total capacitance present at nodes X and Y , and will therefore
create a differential voltage between both nodes. Meanwhile, M7 and M8 will turn on
and, later, the cross-coupled scheme will start working, leading to a positive feedback
effect and, thus, to the regeneration of the initial imbalance between xp and xn.

This comparator presents very appealing features for high-speed, low-power and
low-offset performance. On the one hand, there is no static power consumption for
the regenerative latch due to the use of switch Sn1. On the other, only one strobe
signal is needed. In addition, the offset of the regenerative latch is dominated by that
of its input differential pair. However, its impact is reduced by the preamplifying
stage of the comparator, which will also help to lower kick-back noise [Domi03,
Figu09].

5.3.4.1 Offset Computation

The method used in Chap. 4 to extract the comparator offset is based on an input ramp
waveform. A more efficient method in terms of simulation time is presented here. The
bisection method is employed to characterize the input offset of the comparator. This
method is a root-finding algorithm which works by repeatedly halving an interval
and, then, selecting the subinterval in which the root exists [Pres92]. Figure 5.23
shows the algorithm graphically. Let us suppose that the equation to be solved is
f(x) = 0. Given two points, a and b, such that f(a) and f(b) have opposite signs, the
intermediate value theorem says that f(x) must have at least one root in the interval [a,
b] as long as f(x) is continuous [Bolz17]. The bisection method divides the interval
into two by computing its midpoint c = (a + b)/2. At this point, there are two
possibilities: either f(a) and f(c) have opposite signs, or f(c) and f(b) have opposite
signs. The bisection algorithm is then applied to the sub-interval where the sign
change occurs until a solution under a defined tolerance is obtained.
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Therefore, if f(x) is a continuous function on the interval [a, b] and f (a) · f (b) < 0,

then the bisection method converges to a root of f(x). However, the bisection method
gives only a range where the root exists, rather than a single solution. The midpoint
is the best estimated root location in the smallest interval found. In that case, the
absolute error after n steps is at most

|b − a|
2n+1

(5.13)

If, on the contrary, an extreme point of the interval is used, the maximum absolute
error is

|b − a|
2n

(5.14)

These formulae can be used to determine in advance the number of iterations that
the bisection method would need to converge to a root within a certain tolerance ε.
Taking into account (5.14)—the worst case of the two approaches—, the number of
iterations n can be defined as

n = log2

(
b − a

ε

)
(5.15)

to ensure that the error is smaller than the tolerance ε.
Figure 5.24 shows the test-bench for the comparator offset computation. The

preamplifier and the regenerative latch are placed inside a feedback loop, in which
the preamplifier input signal is controlled by a block that implements the bisectional
algorithm described above. A verilogA [Kund04] code is used for this purpose. The
input of this block is the differential output of the regenerative latch, so the algorithm
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Table 5.13 Results for the
comparator performance
obtained by electrical
simulation

basically selects the next input voltage based on the comparator output, following
the procedure depicted in Fig. 5.23. Note that a delay is needed for the comparator
strobe. The delayed strobe signal (strobed) triggers the block corresponding to the
bisectional algorithm. This time delay must be longer than the response time of
the regenerative latch but lower than half of the cycle of the comparator strobe. To
sum up, the block that implements the bisectional algorithm imposes an input to the
preamplifier that gets closer to the comparator offset with each iteration cycle.

This test-bench was included in a 200-run Monte Carlo simulation in order to take
into account transistor mismatches and process variations with a capacitance load of
25 fF16. Besides, a corner analysis considering fast and slow device models, ± 5%
variations in the 1.2-V nominal supply and temperatures in the range of [− 40◦C,
85◦C] was also performed. Table 5.13 shows the values obtained for the mean and
standard deviation (sigma in the table) values of the preamplifier gain, the input
comparator offset and the low-to-high and high-to-low comparator response times—
tlh and thl, respectively. The worst-case values resulting from the corner analysis are
also included. Note that the comparator operates very fast; indeed, the worst-case
maximum time response of the comparator is roughly 13 times lower than the time
period of the WiMAX operation clock speed (240 MHz).

5.3.5 A/D/A Conversion

1.5-bit quantizers are employed in both stages of the cascade to digitize the corre-
sponding analog adder outputs and convert them back to the analog domain in the
DACs. The thermometer code quantizer output is then translated into a 1-of-3 code
(d0−2) as per the conversion scheme in Fig. 5.25. Former signals control the DAC
and decide which of the 3 levels (+1.2 V, 0 V or −1.2 V) will be fed back and inte-
grated. The output of every quantizer in the modulator is binary encoded and stored
in a ROM.

5.3.5.1 ADC

Figure 5.26 shows the flash architecture of the 3-level quantizer that compares the
analog adder output (V+

i − V−
i ) with a differential voltage reference given by

16 This value corresponds to the input parasitic capacitances of the DAC digital gates driven by the
quantizer outputs.
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Fig. 5.27 1.5-bit DAC:
a control gates, b D/A
feedback operation in the first
integrator of the
corresponding modulator
stage

the differential tabs of the resistor ladder—(V+
rc −V−

rc ) and (V−
rc −V+

rc ) for the first and
second comparators, respectively. Note that there is compression over the references
(Vra = V+

ra − V−
ra) given by a resistive ratio of 2-to-32, as mentioned in Sect. 5.2.1.

Comparators in the quantizer are similar to those described in Sect. 5.3.4. Two in-
put differential pairs are used at the pre-amplifying stage in order to operate with two
fully-differential inputs; namely, the quantizer input and the compressed references
coming from the resistor ladder. The resistor ladder uses 64 segments of 95.9-� unit
resistors laid out with unsalicided p+ poly and connected between the differential
reference voltages (V+

r = 1.2VandV−
r = 0V) thus providing a differential full scale

of 2.4 V with a current consumption of 195.5 μA.

5.3.5.2 DAC

Figure 5.27a shows the scheme of the DAC control gates that enable the feedback
operation in the first integrator of each modulator stage as depicted in Fig. 5.27b.
The feedback voltage to be sampled by the corresponding capacitor at the top of the
fully differential implementation (Csp in Fig. 5.27b) is V+

r , Vcm or V−
r when the

digital code activated by the ADC is d2, d1 or d0, respectively. On the contrary, the
capacitor at the bottom (Csn in Fig. 5.27b) samples V−

r , Vcm, or V+
r when the digital

code activated by the ADC is d2, d1 or d0, respectively. These sampling operations
are performed at phase φ2d as shown in Fig. 5.27b and described in Sect. 5.2.2.

5.3.6 Clock Phase Generator

Figure 5.28 shows the schematic of the clock phase generator used to produce the
non-overlapped and delayed phases illustrated in Fig. 5.4. The schematic of this
generator includes a PMOS transistor M1 inside two of the inverters in order to
eliminate the delay at the rising edge between φi and φid phases, while the delay at
the falling edge remains [Park01, Silv04b]. The integration and sampling operations
in the ��M are controlled by these phases (and their delayed and complementary
versions) which are generated from the schematic in Fig. 5.28 with an input clock
signal provided by an external off-chip equipment.

A U-shaped bus is also employed in this prototype to distribute the generated
clock phases, their complementary signals, the DAC control signals (Ai, Bi and Ci

in Fig. 5.4) and the modified phases that allow the modulator last stage to switch off
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Fig. 5.28 Clock phase generator

Fig. 5.29 3D illustration of the physical distribution of one isolated clock phase

in order to save power (φ′
i , φ′

id and φ′′
i in Fig. 5.4). However, the isolation of each

signal in this prototype is based on the connection of two parallel ground walls on
each side of the signal metal strip, being closed at the top and the bottom by two long
horizontal ground planes. In theory, only one metal strip running in parallel to the
signal line on each side and connected to the horizontal planes with the necessary
vias is enough for this kind of isolation. Unfortunately, this is not compatible with
the technological DRC rules because of practical density problems with the metal
vias. Two parallel metal strips on each side are therefore necessary to perform the
isolation. Altogether, Fig. 5.29 shows a bus section for the distribution and isolation
of one signal (φi in the figure). This signal line and the parallel dedicated ground
strips (GND in the figure) are laid out in metal 5, while two isolation planes are
implemented in metal 8 and 2 at the top and bottom of the structure, respectively.
Two parallel ground lines on each side of the signal—thus making four ground lines
in total for isolation—are used to alternate vias from the bottom ground plane in
metal 2 to the ground strip in metal 5, on the one hand, and from metal 5 to the top
plane in metal 8, on the other. If scattering effects are neglected between vias slots in
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Table 5.14 Parasitics for the lumped LCR model in Fig. 4.19d

Modulator 
stage

Worst-case 
bus length LT (pH) CT (fF) RT (Ω)

First 1mm 440 76 110
Second 750μm 350 60 82.5

Table 5.15 Estimated loads for each clock phase

φ1d φ1d φ2d φ2d φ1, φ2 φ1, φ2

CL (fF) 149.1 45.7 87.2 31.3 91.8 47.1

φ'1d φ'1d φ'2d φ'2d φ'1, φ'2 φ'1, φ'2 φ''1, φ''2 ? ''1, φ''2
CL (fF) 184.7 52.3 67.6 66.0 100.0 39.1 31.7 11.8

different ground lines in metal 5, in practice a complete Faraday box will be obtained
for each signal φi despite the density issues of the metal vias. However, metal 4 is
used for making the connections of the modulator circuitry to the clock phases. In
these regions, therefore, vias from metal 3 to metal 5 need to be removed.

A spacing of 0.49 μm between adjacent dedicated ground lines is also maintained
to avoid DRC errors due to proximity between vias. In addition, there is a distance
of 1.25 μm between the main signal line and the surrounding ground metal strips
in order to reduce coupling capacitance. However, 31 signals are routed together in
the bus plus the isolating ground lines. This entails a very large area consumption as
will be discussed in Sect. 6.4.4.

To extract the equivalent LCR model, a similar approach to the procedure followed
in Chap. 4 is applied here as well, the only difference being the inclusion of two
different LCR lumped models. One is used for the last modulator stage, which will
be laid physically close to the generation of the phases17, and another is considered
for the first stage, which will be farther along. The estimated routing distances of
both models are 750 μm and 1 mm, respectively, in which a safety margin of 150 μm
is included in both cases to allow for future larger layouts in practice. The resulting
parameters of both LRC models are shown in Table 5.14.

The estimated capacitance loads driven by each phase are given in Table 5.15.
Note that the corresponding sums of CL + CT result in low capacitance values, so the
selected phase buffers are library-based. Buffers with fan-outs of 40 and 32 are used
for the first- and second-stage clock phases, respectively.

Post-layout simulations have been performed which include not only the clock
phase generation but also the buffers and the LCR lumped model in Fig. 4.19d. The
effective operation times for the sampling phase are 97.5 and 84.4% of half the clock
period for clock frequencies of 40 and 240 MHz, respectively. The respective values

17 The placement of the modulator last stage close to the clock phase generation helps to reduce
the influence of the switching noise coupling on the ��M performance. This will be addressed in
Sect. 5.4.
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for the integration phase are 98.2 and 89.0%. The resulting non-overlapping time
and the falling phase delays are approximately 80 and 78 ps, respectively.

5.3.7 Bias Current Adaptation

The performance of every opamp and all the comparator preamplifiers of each quan-
tizer can be adapted by adjusting the corresponding bias current. To this purpose,
the master bias current generator conceptually shown in Fig. 5.30a is used. A set of
off-chip resistors is necessary to externally generate the desired currents that are later
mirrored to bias all the basic building blocks of the analog core. To adapt the bias
current, and, consequently, the power consumption of both the amplifiers and the
comparator preamplifiers, an array of off-chip potentiometers is used, as shown in
Fig. 5.30b, c. As illustrated in Fig. 5.31, the range of the generated bias current (IB)
goes from 1.8 to 180.0 μA corresponding to off-chip resistors (R) of 2 M� and 6 k�,
respectively. Figure 5.30b suggests that the whole range can be used for the opamps,
while the range of the preamplifiers IB goes from 3.4 to 70.0 μA—see Fig. 5.30c.
Note from Fig. 5.13 that a lower range of IBs is used for the amplifiers due, for
instance, to the appreciable degradation of the opamp DC gain and its non-linearities
as shown in this figure.

5.3.8 Common-Mode Generation

A folded-cascode amplifier is used in a voltage follower configuration to isolate
the generated resistor ladder tabs from all the switching activity at the common-
mode voltage that is extracted from the middle node of that same resistor ladder. In
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Fig. 5.31 Illustration of bias
current (IB) versus off-chip
resistance
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addition, a set of decoupling capacitors at different nodes are also necessary. It has
been determined that 28.4-, 14.6- and 78-pF capacitors are needed at the middle node
of the resistor ladder, the output of the buffer and the output pad of the common-mode
signal respectively for correct common-mode generation. This has been verified by
transient simulations using CADENCE-SPECTRE [Cade08] for the operation modes
of WiMAX and GSM, representing, respectively, the most demanding operation
speed and resolution in the modulator. Large off-chip decoupling capacitors of 22-
μF are also used between the reference voltages and between the common-mode pad
and ground. An additional on-chip decoupling capacitor between the references of
60 pF is employed as well.

5.4 Layout and Prototyping

The modulator has been implemented in a 90-nm 1P9M digital CMOS technology.
Figure 5.32a shows the complete layout and highlights its main parts, while Fig. 5.32b
shows a microphotograph of the chip. The modulator core occupies an active area of
0.66 mm2. Figure 5.33 illustrates the layout floorplan with separate analog, mixed
and digital supplies, and guard rings surrounding each section of the circuit. The area
of the analog part is devoted to the amplifiers, capacitors, preamplifiers and the bias
current generators. Analog adders are embedded inside the integrators area since they
are implemented only with capacitors and switches. The mixed-mode part has two
different supplies: one for the comparator regenerative latches and for the switches
at integrators and analog adders (VDDADMix), and another for the clock phase buffers
(VDDADBuff). The digital part encloses all the logic gates, the DAC and the clock
phases generator. The latter also includes two blocks: one intended to perform the
control logic that creates the controlled phases with Ctrl signal (see the bottom of
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Fig. 5.32 Chip implementation: a layout, b die microphotograph
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Fig. 5.33 Illustration of the prototype floorplan

Fig. 5.4) and a replica of the former to introduce the same delay in the original phases
(using a control signal which is always set to a logic zero).

Apart from this division, the digital part of the pad ring is split into two parts:
one devoted to the clock and another to the I/O buffers. This is done to reduce the
coupling between both groups of high-swinging signals. In addition, library-based
I/O cells with ESD protection are used for the implementation of the pad ring.

The chip is directly bonded over the PCB to reduce package-related parasitics.
Double bonding is used for the references in order to halve their bonding parasitic
inductances. Three pads—and off-chip pins—are used for the analog supply and
ground voltages to shorten the parasitic bonding inductance. Moreover, since their
currents are equal but with different signs, their pads and pins are placed in parallel
to reduce the total parasitic inductance thanks to the compensation given by the
complementary mutual inductances of this configuration [Raza00].

5.4.1 PCB

Figure 5.34 displays the PCB schematic. The strategies employed in its design can
be summarized as follows:
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• The input signal is generated in a fully differential low-distortion external source
(Tektronix SG5010 audio oscillator) and, then, filtered by a second-order RC anti-
aliasing filter on PCB. There is a whole set of capacitors to be connected depending
on the operation mode and fixed 50-� resistors. The capacitor values are selected
according to the required filtering rejection frequency for each operation mode
BW. The input equivalent thermal noise added by this filter has been computed
to be well below specifications.

• There are two regulators on the PCB to keep a stable value for the supply voltages.
Both devices are connected to an external 5-V voltage generator and provide a
2.5-V (for the chip I/O cells) and 1.2-V supply voltages (for both the chip I/O
cells and the on-chip circuitry).

• All the on-chip supplies and voltage references have an independent π filtering
at PCB before their connection to the chip. Two capacitors and one inductor are
used for each filter. There is a filtering for each supply—after distribution by the
PCB regulator—from the DC source to the chip and vice versa. Each supply on-
chip is therefore filtered from the others as well. The same applies to the voltage
references. Note that jumpers are used to enable the current flowing through the
corresponding supply and ground to be measured with an amperimeter.

• The on-chip generated common-mode voltage must be provided to the fully dif-
ferential input signal generator. To this purpose, a buffer based on a unity feedback
opamp is used at PCB. If necessary, the common-mode voltage can be imposed
externally18 with a voltage DC source as an alternative testing approach. To do
this, the footprint of a 0-� resistor was included.

• 22-μF capacitors are employed as off-chip decoupling capacitors for the common-
mode and voltage references. These capacitive values help to reduce ringing
and to flatten their temporal responses. This point has been checked in transient
simulations, including a macromodel for both the bonding wires and the off-chip
capacitors.

• In general, capacitors are employed throughout the PCB to keep a flat frequency
response of the impedance when considering PCB parasitics [Alex05]. Note that
the smaller the capacitance value, the closer the capacitor is placed to the chip in
the PCB layout.

• As mentioned above, the bias currents for opamps and comparator preamplifiers
in the modulator are controlled with off-chip potentiometers. A set of on-chip and
off-chip capacitors are also used for decoupling these nodes.

• The ground—and supply—layer on the PCB is divided into 9 regions; namely:
analog, 2.5-V analog for I/O ring ground, mixed-mode, one for the phase buffers,
digital, 2.5-V digital for I/O ring ground, two 1.2-V I/O ring grounds and a
dedicated ground (VPH_BUS in the figure) for the phase bus isolation. There are
9 main grounds divided through the PCB up to a final point that connects all of
them to that of the corresponding voltage source.

18 A π filter is employed for the common-mode voltage distribution on the PCB when this strategy
is applied.



194 5 A 1.2-V 90-nm CMOS Reconfigurable 2-2 Cascade SC ��M

Fig. 5.35 Test PCB: a photograph, b bonding over PCB detail

Figure 5.35 shows a photograph of the 4-layer PCB. Note that the chip is directly
bonded over it, as also shown in the figure.

5.5 Experimental Results

5.5.1 Timing Capturing Issue

Two options are traditionally used for taking the modulator output bit streams in
transient simulations. First, a virtual logic analyzer—that can be implemented in the
form of a verilogA code [Kund04]—captures this data into a file for later processing.
Alternatively, CADENCE-SPECTRE allows the user to capture this same data by
introducing a numerical temporal reference19 [Cade08]. This second option was the
one selected although the first approach is the one closer to the procedure used when
testing in a laboratory. Unfortunately, the triggering signal—used for an appropriate
timing in the capture—was not routed to a pad and then bonded to a pin, so it cannot
be taken off-chip. Indeed, the only timing reference outside the chip is the clock

19 The ideal capturing time is the point at which the output of the comparator is stable. In other
words, the falling edge of phase φ2d or, alternatively, the rising edge of φ1d (see Figs. 5.4 and 5.8).
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signal used for the logic analyzer capture operation. Unfortunately, there is no way
to know how the clock signal evolves inside the chip and, thus, how far its rising
edges are from the ones of φid (the signal that should have been used for triggering
the logic analyzer). This is a potential problem when testing high-speed operation
modes such as WiMAX. Note that this issue is solved by taking the appropriate
triggering signals off-chip for the prototype presented in Chap. 6.

5.5.2 Test Set-Up and Experimental Results

A similar test set-up to the second one used in Chap. 4 (see Sect. 4.6) was employed
here. The performance of the chip was evaluated using a logic analyzer to capture
the bit streams of the different stages of the modulator. After acquisition, captured
data were transferred to a workstation for digital post-processing with MATLAB
[Math08a].

Figure 5.36a, b shows the measured output spectra corresponding to GSM
and WiMAX operation modes, considering an input sinewave with an amplitude
of −12.2 dBFS. The reconfiguration of the noise-shaping order is illustrated in
Fig. 5.36c, which shows the output spectra for GPS, on the one hand, and for UMTS
and DVB-H modes, on the other; corresponding to the use of the same sampling
frequency (120 MHz) with L = 2 and L = 4, respectively. Moreover, the measured
spectra for all operation modes are compared in Fig. 5.37. It can be observed that
thermal noise dominates IBE for GSM, whereas quantization noise dominates in
WiMAX. Furthermore, the contribution of thermal and quantization noise is roughly
the same in BT and GPS modes. Finally, thermal noise power is slightly greater
than quantization noise power for the UMTS mode. On the contrary, quantization
noise is marginally greater for DVB-H. Note from Fig. 5.36b that third- and fifth-
order harmonic distortion is present for WiMAX. However, although distortion is
observable, it does not limit the modulator resolution for WiMAX due to a greater
contribution of quantization noise, as can be observed in the figure. Figure 5.38 also
depicts the modulator SNDR versus the input signal level for the operation modes
under consideration.

Figure 5.39 provides several details of the chip power consumption. First, a budget
of the chip consumption is shown for the different supplies. It can be observed that
the contribution of the analog circuitry predominates in all modes. In most of the
modes, however, the faster the chip operation, the greater the power contribution of
the clock phase buffers and the digital blocks20. In addition, Fig. 5.39b shows the
normalized power consumption to the peak SNDR.

Table 5.16 summarizes the experimental results of the modulator. Aside from the
high degree of modulator flexibility for each mode (different OSRs, modulator order

20 It is well known that the dynamic power of a digital gate is proportional to f · C · V2
DDD [Sedr82],

where f, C and VDDD stand for the operation frequency, the load capacitance and the digital supply
voltage, respectively.
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Fig. 5.36 Measured output spectra for a GSM, b WiMAX, c GSP and UMTS
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Fig. 5.38 SNDR versus input level for all operation modes

and variable biasing selection for opamps and preamplifiers), the best experimental
results are shown in the table.

This prototype considerably improves the performance of the one presented in
Chap. 4 (see Table 5.15). In spite of the supply voltage reduction—from 3.3 to 1.2 V,
the flexibility capabilities and architectural improvements achieved allow the efficient
conversion of modes with larger bandwidths, which allows the range of the modulator
bandwidth operation to be widened as well. Furthermore, the power dissipated in the
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Fig. 5.39 Power consumption for the different operation modes: a power budget, b normalized
power

Table 5.16 Summary of measured performance

GSM BT GPS UMTS DVB-H WiMAX
Modulator architecture 2-22

OSR 200 80 60 30 15 12
BW (MHz) 0.1 0.5 1 2 4 10

Sampling frequency (MHz) 40 80 120 240
DR (dB) 78.0 70.0 71.5 66.0 62.0 52.0

Peak SNDR (dB) 72.3 68.0 65.4 63.3 59.1 48.7
Process 90-nm 1P9M CMOS

Core area 0.66mm2 (pads excluded)
Power consumption (mW) 4.6 5.3 6.2 8.0 11.0

Analog core 3.8 5.7
Phases Buffer 0.6 1.1 1.8 3.6
Mixed section 0.0 0.1 0.2
Digital section 0.1 0.3 0.4 1.4

modulator is largely reduced—for instance, to only 18% of the power for UMTS—in
comparison with the design in Chap. 4. This results in a significant improvement in
the values of FoM1 and FoM2, as will be shown in Chap. 7.

5.6 Summary

This chapter describes the design, implementation and experimental characterization
of a multi-mode ��M capable of converting a large number of standards with good
performance. The chosen architecture is a 2-2 cascade ��M based on unity-STF
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stages, in which the back-end stage can be switched off to save power. The modulator
is therefore capable of varying the order of the loop filter, the sampling frequency
and the bias currents of its amplifiers and comparator preamplifiers.

The chapter discusses the selection of the modulator topology and the architectural
coefficients, addressing practical architectural issues and their solutions. Details on
the design of the modulator building blocks are also presented at transistor level.

The prototype was fabricated in a 90-nm CMOS technology and features dy-
namic ranges of 78.0/70.0/71.5/66.0/62.0/52.0 dB and peak SNDRs of 72.3/68.0/
65.4/63.3/59.1/48.7 dB within bandwidths of 100 kHz/500 kHz/1 MHz/2 MHz/
4 MHz/10 MHz, while consuming 4.6/5.3/6.2/8.0/8.0/11.0 mW, respectively. These
results show a performance competitive with state-of-the-art multi-standard ��

modulators, covering one of the widest regions in the resolution-bandwidth plane as
will be shown in Chap. 7.

The architectural advantages of this prototype (mainly provided by the unity-
STF stages in the cascade) enable low-power high-speed A/D conversions for a
multi-mode hand-held device. This can easily be observed when its performance is
compared with that obtained by the prototype in Chap. 4.

Nevertheless, if the device functionality requires N standards to be converted in
parallel, N ADCs will be placed on the chipset despite all their individual multi-
standard capabilities. Concurrency is therefore the next step in the roadmap of these
kinds of devices [Hash03]. Next chapter shows the design, implementation and
results of a prototype that gives a solution to the aforementioned problem while also
introducing much more flexibility in its reconfiguration capabilities.



Chapter 6
A 1.2-V 90-nm CMOS Adaptive Concurrent
Resonation-Based 2-2-2 Cascade ��M for SDR

Flexibility in baseband processing is becoming one of the most important necessi-
ties in future terminals for mobile communications and wireless networks [Blue03].
Concurrent reception of wireless standards will help to boost the needed flexibility,
while making more efficient use of the available hardware. The ��M introduced in
this chapter implements several flexible strategies. Apart from all the reconfiguration
strategies used in Chaps. 4 and 5, concurrency and resonation are also implemented.
The latter allows an optimum selection of the resonation zeros in order to reduce
the quantization noise for a given bandwidth, while the former increases the parallel
processing capabilities of the ��M by re-using its own hardware. There is also a
set of reconfiguration strategies that helps to trade power consumption for perfor-
mance for a set of bandwidths in a reconfigurable ��M. The sampling frequency
and, consequently, the oversampling ratio, and the order of the in-loop filter can
be adjusted to the requirements of each operation mode. The biasing of the ��M
building blocks and the resolution of the embedded quantizers can be also modified
so that the modulator too achieves the required resolution with minimum power. All
these strategies for flexibility are incorporated in the ��M presented in this chapter.
Moreover, this ��M IC adopts and improves the design of some of the building
blocks of the ��M described in Chap. 5. This chapter also examines the design,
implementation, layout and experimental results of a flexible ��M, intended to
fuel the A/D conversion of 4G wireless telecommunication transceivers. This chip
is capable of converting up to 3 standards in parallel operation. The ��M archi-
tecture consists of a 2-2-2 cascade with adaptable order and concurrent capabilities
for each stage. The experimental characterization of the chip shows a proper oper-
ation of modulator order reconfiguration, adaptive biasing, variation of the internal
quantization and concurrency.

This chapter is organized as follows: Sect. 6.1 shows the architecture and the flex-
ible strategies embedded in the ��M. Section 6.2 illustrates the SC schematic and
the timing operation in the modulator. Section 6.3 explains how the aforementioned
strategies are implemented in practice. Afterwards, more details of all the ��M
building blocks at transistor level are provided in Sect. 6.4. The layout of the chip
and the PCB design are illustrated in Sect. 6.5. Finally, the experimental performance
of the chip is described in Sect. 6.6.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 201
DOI 10.1007/978-1-4614-0037-0_6, © Springer Science+Business Media, LLC 2011
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6.1 Architecture and Strategies for Flexibility

The main purpose of this design is the implementation of a flexible��M with parallel
conversion capabilities. Performance improvements for every wireless standard—as
usually pursued in mono-standard designs—is a minor objective, with the priority
being a more flexible solution that can, eventually, lead to concurrent processing.
Furthermore, additional flexibility is typically accompanied by a better performance,
because the system circuitry and its architecture can be adjusted to each operation
mode more efficiently. Several building blocks of the design presented in Chap. 5 have
also been re-designed here to boost their performances.

Apart from the inclusion of several reconfiguration strategies, the principal novelty
in this prototype is the parallel processing of more than one operation mode; in other
words, concurrency to enable the parallel conversion of a number of inputs.

This section shows the employed architecture and its main parameters. Special
attention is paid to the different reconfiguration strategies at the architectural level,
such as the adaptive modulator order, resonation and concurrency. The drawback
is an increase in the complexity in the modulator design, because additional SC
branches and modulator building blocks are required for the extra functionality.

6.1.1 Architecture

Figure 6.1 shows the block diagram of the proposed architecture. It consists of a sixth-
order 3-stage reconfigurable 2-2-2 cascade ��M. Unity STF is obtained through the
use of feed-forward paths in each single-loop stage. Local resonation is incorporated
in the second and third modulator stages following the scheme in Fig. 3.10b. This
modulator can also adapt its order to the operation mode. The scheme in Fig. 6.1
presents three possible inputs (X1, X2 and X3) that can be used for concurrency as
indicated below. The digital cancellation logic (DCL), shown in Fig. 6.2, needs to
be adjusted to match the architectural configuration in the modulator.

6.1.1.1 Architectural Coefficients

The in-loop coefficients employed in the architecture are different from those in
Chap. 5. Table 6.1 shows the values of all the in-loop coefficients except those used
to implement resonation, which will be given later. The values of the coefficients are
selected to keep output swing opamp requirements low1, while the number of unit

1 The output swing requirements will be roughly doubled—45% of the reference voltage—for the
first and third integrators if the modulator’s internal quantization is of 3 levels (see Table 5.4). By con-
trast, if all embedded quantizers use 5 levels, the output swing requirements will be approximately
22% for the first and third integrators, and 6% for the second and fourth integrators.
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capacitors per stage is reduced compared to the prototype presented in Chap. 52. This
technique is convenient for area reduction. Note that there is an additional ��M
stage in this prototype, so larger area consumption is expected.

2 Only 2 × 28 unit capacitors are needed for a 2-2 cascade configuration in this modulator, while
the in-loop coefficients employed in Chap. 5 demand the use of 2 × 35 units.
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Table 6.1 Coefficients in Fig. 6.1

c1 c2 a1 a2 c3 c4 a3 a4 c5 c6 a5 a6

0.5 0.5 4 4 0.5 0.5 4 4 0.5 0.5 4 4

During resonation, coefficients r3i, r4i, r5j and r6j change according to the required
resonation factors; otherwise, they are always 0. The corresponding values of these
coefficients, together with the allowable resonation factors, are given below.

6.1.2 Modulator Order Reconfigurability and Concurrency

Every stage in Fig. 6.1 can work either separately or as part of a cascade. The different
actual architectural configurations are the following:

• A 2-2-2 cascade ��M that processes the input signal X1. In this case, a 6th-order
high-pass filtering is obtained for the NTF. The modulator output is Y2-2-2 and
the DCL 2 in Fig. 6.2 is used. In other words, DCL 1 and 2 provide a 4th- and
6th-order shaping of the last-stage quantization error for a cascade made up of
the first two stages and of the three stages, respectively.

• A 2-2 cascade ��M. In this configuration, the last stage can be switched off
to save power or can work in a single-loop configuration, processing input X3

concurrently. The outputs for the two options are Y2-2 and Y3, SL, respectively.
The DCLs 2 and 3 in Fig. 6.2 are therefore not used.

• First stage operating in a 2nd-order single-loop configuration, with respective
input and output X1 and Y1, SL. There are several possibilities in this case. On the
one hand, the back-end stages can work as an additional 2-2 cascade or can be
switched off when not used. Alternatively, one or both of the back-end stages can
operate concurrently. The DCL 3 in Fig. 6.2 is only used when the second and the
third stages work as a 2-2 cascade processing input X2. DCLs 1 and 2 are never
used in this case.

NTF changes according to the configuration selected. If a single-loop configuration
is selected for one of the stages, a second-order in-loop filtering will be obtained as
follows:

NTFSL(z) = (1 − z−1)2 (6.1)

On the contrary, if any of the two subsequent stages are working in a 2-2 cascade con-
figuration (i.e., first and second stages, or second and third stages), the corresponding
NTF will be given by:

NTF2-2(z) = (1 − z−1)4 (6.2)

Finally, when all stages are connected together, the overall ��M works as a 2-2-2
cascade with the following NTF:

NTF2-2-2(z) = (1 − z−1)6 (6.3)
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The use of local resonation that would include zeros in the NTF is not yet considered.
The implementation of this strategy will be discussed below. The resolution of each
of the embedded quantizers can be also adapted to 3 or 5 levels.

In general, there is only one master clock in a cascade ��M and the clock phases
are generated from this signal. Let us suppose that more than one stage in the scheme
in Fig. 6.1 is working concurrently. If there is only one clock governing the generation
of all the clock phases in the modulator, the speed of all concurrent stages will be
dominated by the stage that requires the fastest operation. This leads to a waste of
power for the slowest concurrent stages. Different clocks are therefore needed. The
solution to this problem in this modulator is given by incorporating an on-chip clock
divider for each stage, so that the speed of each concurrent stage can be adjusted as
required.

6.1.3 Resonation Strategies

Both the second and the third stage in Fig. 6.1 make use of tunable coefficients to allow
programable resonation operation. Table 3.1 is adapted to provide the relationships
between the resonation coefficients r3i, r4i, r5j and r6j, the resonation factors g2i and
g3j and the in-loop coefficients in Table 6.1 as follows:

r3i = 2g2i

r4i = 4g2i

a′
3i = a3i − 2g2i

a′
4i = a4i − 4g2i

⎞
⎟⎟⎠ (6.4)

r5j = 2g3j

r6j = 4g3j

a′
5j = a5j − 2g3j

a′
6j = a6j − 4g3j

⎞
⎟⎟⎠ (6.5)

where the effective feed-forward coefficients in Fig. 6.1—denoted with a′
ij—are

implemented as a subtraction of the feed-forward coefficients in Table 6.1 (aij) and
those used to implement resonation as defined in (6.4) and (6.5); i.e., 2g2i or 4g2i for
(6.4), and 2g3i or 4g3i for (6.5). Each of these latter resonation coefficients (g2i and
g3j) can have three possible values and either of these values—which are included in
Table 6.2 together with the corresponding resonation coefficients—can be combined3

with the other two. The resulting permutations are given in Table 6.3.
Resonation is also compatible with the above-mentioned architectural strategies.

A 2-2 MASH ��M with a zero notch in the NTF will therefore be obtained if two
stages are configured in a cascade configuration and their in-loop coefficients are

3 The actual way to implement this combination of coefficients is merely to use three different SC
branches with different control signals corresponding to three different values of gji.
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Table 6.2 Resonation coefficients of the proposed ��M

Second Stage Third Stage
g21 g22 g23 g31 g32 g33

g2i 0.250 0.125 0.0625 0.35 0.25 0.10 g3j

r3 0.500 0.250 0.125 0.7 0.5 0.2 r5
r4 1.00 0.50 0.25 1.4 1.0 0.4 r6
a’3 3.500 3.750 3.875 3.3 3.5 3.8 a’5
a’4 3.00 3.50 3.75 2.6 3.0 3.6 a’6

Table 6.3 Other resonation coefficients of the proposed ��M

Second Stage Third Stage
g21+g22+g23 g21+g22 g21+g23 g22+g23 g31+g32+g33 g31+g32 g31+g33 g32+g33

g2i 0.4375 0.375 0.3125 0.1875 0.70 0.60 0.45 0.35 g3j

r3 0.875 0.750 0.625 0.375 1.4 1.2 0.9 0.7 r5
r4 1.75 1.50 1.25 0.75 2.8 2.4 1.8 1.4 r6
a’3 3.125 3.250 3.375 3.625 2.6 2.8 3.1 3.3 a’5
a’4 2.25 2.50 2.75 3.25 1.2 1.6 2.2 2.6 a’6

given by (6.4) and (6.5). In this case, the resulting NTF would be:

NTF2-2(z) = (1 − z−1)2 · [
1 − (2 − gij) · z−1 + z−2] (6.6)

Another possible configuration is that in which all stages are connected to produce a
2-2-2 cascade configuration and there is a resonation coefficient g3j implemented in
the last stage. The corresponding NTF would then be given by:

NTF2-2-2(z) = (1 − z−1)4 · [
1 − (2 − g3j) · z−1 + z−2] (6.7)

Finally, if both back-end stages have g2i and g3j as their respective resonation factors,
the NTF would change to:

NTF2-2-2(z) = (1 − z−1)2 · [
1 − (2 − g2i) · z−1 + z−2]

· [
1 − (2 − g3j) · z−1 + z−2] (6.8)

Note that if the resonation factors, g2i, is not power of 2, it will result in a complex,
costly implementation of DCL 2 [Sanc06].

Note that resonation can work together with concurrency. This way, the second
and the third stages can implement resonation with respective resonating factors g2i

and g3j, while operating concurrently. In this case, the resulting NTFs are:

NTFSL(z) = 1 − (2 − gij) · z−1 + z−2 (6.9)

where gij stands for the corresponding resonating factor; namely, either g2i or g3j.
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6.1.4 Summary of All Flexible Strategies

All reconfiguration and flexible techniques presented in this section can be summa-
rized as follows:

• The ��M order can be adjusted to the operation mode. It can therefore be con-
figured as either a 2nd-order single-loop; a 2-2 cascade or a 2-2-2 cascade ��M.
In addition, stages which are not used can be switched off to save power.

• Concurrency is also implemented, so each stage can work separately by processing
different input signals. Up to three modes can operate in parallel. If the ��M
is processing two modes concurrently, there will be two possible configurations.
On the one hand, a 2-2 cascade ��M and a single-loop ��M will be working in
parallel. On the other, two single-loop ��Ms will be able to process two inputs
concurrently, while another stage might be switched off to save power.
Multi-rating is beneficial for concurrency because it enables the use of different
sampling frequencies for each stage.

• The resolution of each embedded quantizers can be set to 3 or 5 levels.
• The last two stages can resonate to reduce quantization noise. This appealing fea-

ture can be implemented when the stage is operating in a concurrent configuration
or when it is part of a cascade ��M.

The SC implementation of the scheme in Fig. 6.1 and, later, the deployment of all
these flexible features at circuit level will be described in the next two sections.

6.2 SC Implementation

Figure 6.3 shows the single-ended version of the proposed ��M SC schematic. The
first stage is depicted in Fig. 6.3a. Both the second and the third stages are identical.
Fig. 6.3b illustrates the implementation of only the second stage. There is a block
named DAC in both Fig. 6.3a and b. This block is responsible for the generation
of the control signals that will govern the operation of the feedback sampling ca-
pacitors of the front-end integrator in the corresponding stage. There are three SC
branches (and thus three sampling capacitors) for the DAC operation in the afore-
mentioned integrators. One of the SC branches is used for the 3-level configuration
of the quantizer and, consequently, of the DAC. Only one sampling capacitor—Cs11,
Cs13 and Cs15 for the first4, second and third stages, respectively—is employed for
this purpose in each stage. The other two SC branches are needed for the 5-level
configuration of the DAC. The corresponding sampling capacitors in this case are
Cs21 and Cs31 for the first stage, Cs23 and Cs33 for the second, and Cs25 and Cs35

for the third. Although there is a 5-level configuration in the quantizers, no DEM is
implemented on-chip.This might prevent the use of this configuration in either the

4 Note that capacitor Cs11 is shared for the sampling of the 3-level DAC voltage and the input voltage
X1.
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first stage of one of the cascaded configurations or in the modulator stages when
operating as single-loop ��Ms, because of the non-linearities introduced by the
mismatches of the DAC elements. However, this 5-level configuration of the quan-
tizers is completely compatible with dual-quantization in a cascade [Bran91] and
can help to increase resolution, specially in wideband modes, and to reduce opamp
output swings.

The output digital streams of each stage are stored in a ROM and then captured
off-chip. The DCL blocks are shown in Fig. 6.2 but not in Fig. 6.3c. Fig. 6.3c depicts
the digital logic blocks necessary to implement the main reconfiguration strategies in
this ��M. The functionality of these digital logic gates will be explained in Sect. 6.3.

The analog adders are active [John97]; i.e., based on opamps. This leads to an
implementation with a virtual ground and that is free of the inherent capacitance
division of a passive approach. At first, no scaling factor is therefore imposed on
the quantizer reference voltages. Nevertheless, the opamp of the first-stage adder
needs an output swing as large as the maximum voltage swing at the input of the
embedded quantizer of the first stage5 [Ghar06]. In this design, the reference voltage
is equal to the supply voltage to maximize SNDR. If the full scale of the quantizer
is reached (or a close value), the output swing of that opamp will need to be as high
as this voltage. This will eventually result in low headroom for the output branch of
the opamp and, as a consequence, in a power hungry opamp. A scaling factor of 1/4
is implemented on the input signal together with the addition operation in order to
avoid this situation. This factor will later be compensated by scaling the reference
voltages of the quantizers as was done in Chap. 5. The operation of the active analog
adder is as follows. First, the signals to be added are sampled by the capacitors Cfi,
Cfij and Cai. Then, Csumi performs the summation, while Coffi is employed to hold and
subtract the opamp offset. The opamp-based adder performs the addition together
with an inversion in sign [John97]. Negative capacitors compensate that negative sign
when the corresponding architectural coefficient is positive. In the practical fully-
differential implementation, the negative capacitors in the SC schematic in Fig. 6.3
are implemented by swapping the differential nodes that are used to connect them.

The 1/4 scaling factor over the quantizers reference voltages imposes a specific
requirement on the comparator offset equal to:

Offset <
Vref

K
· α (6.10)

as defined in Sect. 5.2.1. Note that Vref (defined as V+
r − V−

r ), K and α stand for the
reference voltage6 (1.2V), the number of levels in the quantizer and the scaling factor
1/4, respectively. The maximum offset requirements are equal to 100 and 60 mV for
the respective quantizer resolutions of 3 and 5 levels.

Table 6.4 gives the capacitors values of the SC schematic in Fig. 6.3. These
values are selected to have low equivalent capacitive loads for the opamps—their
values will be shown in Sect. 6.4.1—while kT/C noise contributions are also kept

5 This also applies to all stages in the modulator because they can operate concurrently.
6 The differential reference voltage is 2 ·Vref = 2.4 V.
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Table 6.4 Capacitor values (in fFs)

Cs11 Cs21 Cs31 Ci1 Cs2 Ci2 Cf1 Ca1 Ca2 Csum1 Coff1
200 100 400 75 150 50 200 200 200 50
Cs13 Cs23 Cs33 Cs43 Cs3,SL Ci3 Cs4 Ci4 Cfi1 Ca3 Ca4 Cf2 Csum2 Coff2
400 50 100 100 200 50 100 200 50 200 50
Cs15 Cs25 Cs35 Cs45 Cs5,SL Ci5 Cs6 Ci6 Cfi2 Ca5 Ca6 Cf3 Csum3 Coff3
400 50 100 100 200 50 100 200 50 200 50

INTEGRATION

Offset samplingADDITION

FEEDBACK

COMPARISON COMPARISON

Offset compensation
ADDITION

Offset compensation

SAMPLING SAMPLING

φ1d
φ1

φ2dφ2
PHASES

ADDERS

COMPARATORS

DAC

INTEGRATORS

Fig. 6.4 Timing operation of the building-blocks of the SC schematic in Fig. 6.3

low for the given OSRs. The minimum unit capacitor is selected as 50 fF for matching
requirements7.

Figure 6.4 illustrates the timing operation of the main building-blocks of the
schematic in Fig. 6.3. The timing scheme depicted is similar to that in Fig. 5.8, the
only difference being the analog addition operation. In this design, capacitor Coffi

samples the offset of the opamp at φ2 and compensates it in the next phase φ1 in
which the addition is performed by capacitor Csumi.

6.3 Implementation of Reconfiguration Strategies
at Circuit Level

This section details the building blocks used to implement the reconfiguration
capabilities in this prototype.

7 This limit will not be considered when implementing low resonation coefficients.
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6.3.1 Adaptability and Concurrency at Circuit Level

Figure 6.3c illustrates how reconfigurability is performed in the SC schematic by
means of a set of control signals and the associated digital logic shown in the figure.
The main signals and their corresponding functionalities are summarized as follows:

• PDi is used to switch off the stage number i and power down its amplifiers and
comparator preamplifiers in the corresponding embedded quantizers.

• SLi is responsible for the concurrent operation of the corresponding stage, i. If
SLi is active, the concurrent path that processes input signal Xi will be enabled
and the one that samples the inter-stage path coming from the previous stage is
deactivated. Note that this only works for the back-end stages since the first stage
has no inter-stage path.
In practice, SL2 and SL3 activate the SC branches of capacitors Cs3,SL, Cf2, and
Cs5,SL and Cf3, respectively. In contrast, when the aforementioned control signals
are off, the last SC branches are disconnected and the inter-stage paths are en-
abled by activating the SC branches of capacitors Cs13, Cfi1, and Cs15 and Cfi2,
respectively.

• Control signals PDResi<j> enable the resonation operation in stage i. If the last
signal is activated, the SC branches of capacitors Cr3i, Cr4i, Cra3i and Cra4i, and
Cr5j, Cr6j, Cra5j and Cra6j will perform resonation for the second and third stages,
respectively.

• Finally, PD3Li sets the quantization resolution of the ADC and the DAC in stage
i. The digital logic that controls the D/A feedback operation (DAC in Fig. 6.3)
generates the control signals Ai, Bi, Ci, Di, Ei and Fi (see Sect. 6.4.5). A logic
operation between the last signals and PD3Li is then performed to obtain A′

i, B′
i,

B′′
i, C′

i, D′
i, D′′

i, E′
i, F ′

i and F ′′
i. These signals control the switches that perform

the above-mentioned in-loop feedback operation. Note that the activation of signal
PD3Li leads to a 5-level operation in the embedded quantizer and the feedback
DAC, while a logic zero for the last signal establishes a 3-level quantization.

6.3.1.1 Quantizer Resolution Adjustment

Depending on their location in the quantizer structure, there are two types of com-
parators: type A and B. Their respective schematics are depicted in Fig. 6.5a and b.
Two type-A comparators are used for 3-level quantization, whereas two type-B com-
parators are incorporated to the former ones when 5-level quantization is selected.
The control signals governing the quantizer resolution are as follows:

• PD3L = ′1′ makes the quantizer operate in the 5-level mode.
• PD3L = ′0′ activates the 3-level quantization. Fig. 6.5c indicates that PDstg5L = ′1′

in this case. This way, the preamplifiers of the type-B comparators are powered
down to save power in this configuration of the quantizer, as suggested in Fig. 6.5b.
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c reconfiguration logic

• PD = ′1′ means that the whole stage is switched off, so the preamplifiers of all
comparators in the quantizer are powered down8 and their inputs are set to the
common-mode voltage.

Note that the comparator type A needs two differential SC branches for its reference
voltages and these are selected according to the quantizer resolution mode. This
is indicated in Fig. 6.5a for voltages V+

r, 3L, V+
r, 5L, V−

r, 3L and V−
r, 5L. Fig. 6.5c

shows the modification of the phases that control the sampling of these comparator
references (or tabs of the resistor ladder in the quantizer) with the aforementioned
control signals PD3L and PD.

A single resistor ladder is implemented to generate the 3- and 5-level voltage tabs
in order to save both area and power. Figure 6.6 shows how the I/O characteristic of
the embedded A/D/A converter changes with the quantizer resolution.

Figure 6.7 shows the schematic of every embedded quantizer in the modulator.
This schematic is divided into 3 parts. First, a resistive ladder is needed to provide the

8 Section 6.3.3 shows that the comparator trigger signal φ1 becomes static when PD is on. The
regenerative latch is therefore also powered down in this case.
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Fig. 6.6 Illustration of the
reconfiguration in the A/D/A
conversion I/O characteristic
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voltage tabs for the appropriate comparisons, performed by the comparators ladder.
The use of the different kinds of comparators is illustrated in the figure by a label
inside a circle. Comparator typeA is therefore used for the extremes of the comparator
ladder, while the intermediate comparators are type B. Finally, digital encoding is
used to transform the thermometric code given by the comparator ladder into a 1-of-
5 code. The delays of all the digital paths in Fig. 6.7 have been compensated with
buffers (not shown in the figure).

The resistor ladder compensates the 1/4 factor of the analog adder operation.
This ladder is used for the generation of the voltage tabs for both 3 and 5 levels
configurations. The resistor ladder is made up of 120 segments9 of 20-� resistors
and consumes 417-μW. The values of the voltages generated are shown in Fig. 6.7.
The common-mode voltage is also taken from the midpoint of the resistive ladder.
An on-chip capacitance of 52.5 pF together with an off-chip 22-μF capacitance are
used to decouple this node.

6.3.1.2 Biasing Reconfiguration of the ��M Building Blocks

Adapting the biasing of the main ��M building blocks is a popular way of adjusting
their power consumptions to their required performances [Lim06, Ouzo07, Chri07,
Morg07b, Crom10, Chri10, Morg10]. This can be done either based on off-chip
elements, as in Chap. 5, or by using current mirrors that are switched according to a
set of control signals. Indeed, the prototype presented in Chap. 4 follows the latter
approach (see Fig. 4.10). In the current prototype, the on-chip current mirroring has
been improved to adopt a binary-weighted approach [Bult92].

First, a master current is generated through an external resistor, R, of 620 k�

connected to a PMOS current mirror as shown in Fig. 6.8. A set of output currents

9 Each segment is made up of two 40−� resistors in parallel configuration to improve matching.
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Fig. 6.9 Reconfiguration in the generation of the bias currents

are mirrored with unity factor. The effective transistor lengths in the NMOS mirrors
are increased by placing transistors in series. This helps to draw a more squared and,
thus, more compact layout of the elements. Once these intermediate currents (IBs) are
generated, reconfiguration is performed. Fig. 6.9 shows how a 5-bit binary-weighted
current mirror based on PMOS transistors is used for this purpose. All mirrored
currents are then selected by control signals, Ctrl<i>, applied to the gates of NMOS-
based control switches. These mirrored currents go directly to all the opamps in the
modulator, all of them having a dedicated signal Ctrl<i> to control their bias current
independently. The same scheme applies to the quantizers, so all the preamplifiers
in each quantizer have the same bias current controlled with a 5-bit binary-weighted
scheme as indicated in Fig. 6.9. However, this last mirrored bias current for the
quantizers (IBias flowing through node C in Fig. 6.9) needs to be replicated in 4 tails
to bias the four preamplifiers that conform a quantizer (see Fig. 6.7). Figure 6.10
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Fig. 6.10 Current mirror for the biasing of the comparator preamplifiers in the quantizers

depicts the current mirror used for the biasing of the comparator preamplifiers in the
quantizers. An extra transistor M2 has been incorporated to the scheme in Fig. 6.10
for the third-stage quantizer. This extra current tail is given to an off-chip resistor, so
the variation of the biasing of the comparator preamplifiers can be measured for every
possible configuration of the corresponding control word. One 5-bit binary-weighted
current mirror, shown in Fig. 6.9, is also connected to an off-chip resistor to measure
the biasing of the opamps. This is incorporated to this prototype for testing purposes
and can be used to compensate for process, temperature and supply variations, and
also for transistor mismatches.

Transistor-level simulations that consider corner and Monte Carlo analyses indi-
cate that approximate maximum currents of 125 μA and 75 μA with an incremental
step of 5 μA are obtained for the opamps and comparator preamplifiers, respectively.
These values fall well within the desired operation range10.

6.3.2 Implementation of Resonation Reconfiguration

Figure 6.3b shows the implementation of resonation for the second or the third
stages. The signals PDRes2<i> and PDRes3<j> control the switches operation in the
SC branches of capacitors Cr3i, Cr4i, Cra3i and Cra4i, and Cr5j, Cr6j, Cra5j and Cra6j for
the second and the third stages, respectively. There are three possible values for each
of these capacitors and the three corresponding SC branches are activated separately
with PDRes2<i> and PDRes3<j> for any of the three possible is and js. This leads
to the practical implementation of all the coefficients in Table 6.2 and 6.3. Table 6.5
shows the values of all capacitors used for resonation. Note that the permutations in
Table 6.3 can be obtained by connecting a number of the SC branches corresponding
to the capacitors in Table 6.5. This table also includes the value of the unit capacitor

10 These values roughly double the maximum of the initially desired values, so there is useful room
for higher operation in the opamps.
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Table 6.5 Resonation capacitances

i g2i
Cra3i Cra4i Cui

(fF)
Cr3i Cr4i Cui

(fF)Value N Value N Value N Value N
1 0.25 25fF 2, Series 50fF 1

50
25fF 2, Series 50fF 1

502 0.125 12.5fF 4, Series 25fF 2, Series 12.5fF 2, Series 25fF 2, Series
3 0.0625 6.25fF 2, Series 12.5fF 1 12.5 6.25fF 8, Series 12.5fF 4, Series

j g3j
Cra5j Cra6j Cuj

(fF)
Cr5j Cr6j Cuj

(fF)Value N Value N Value N Value N
1 0.1 10fF 2, Series 20fF 1 20 10fF 2, Series 20fF 1 20
2 0.25 25fF 2, Series 50fF 1 50 25fF 2, Series 50fF 1 50
3 0.35 35fF 1 70fF 2, Parallel 35 35fF 2, Series 70fF 1 70

(Cu), the employed number of unit elements (N) and their connection configurations,
either in series11 or in parallel.

A number of capacitances are very small. Larger capacitors could have been
implemented if larger unit capacitors had been used for the front-end integrator and
the analog adder of the corresponding ��M stage. However, this would have meant
greater capacitance loads to be driven by the opamps and, therefore, more demanding
dynamic requirements. The sizes of the switches of the resonation SC branches are
scaled according to the value of the connected capacitor in order to reduce parasitic
capacitances. Nevertheless, routing parasitics are unavoidable and their influence
may prevent some of the resonation coefficients—especially the smaller ones—from
working in practice.

6.3.3 Implementation of Multi-rating

Multi-rating needs different operations for frequencies in the ��M stages depending
on the operation mode [Colo02, Bos10]. There are two possible implementations for
multi-rating, namely:

• To use as many clock signals as the number of stages in the ��M. However, this
solution needs a number of dedicated pins equal to the number of stages and can
lead to synchronization problems12.

• To internally divide a single clock signal by a ratio determined by the operation
mode and the ��M stage. In this case, even if there is a division factor of 1, there
will be no synchronization problems for a cascade configuration.

11 Note from Table 6.5 that a number of resonation capacitors are implemented in series. This
way, larger unit capacitors can be used to reduce the actual capacitance by the number of elements
in series. This helps to reduce capacitance mismatching. However, the influence of the bottom
parasitics in the series connections may prevent correct resonation functionality.
12 The implementation of a standard cascade ��M would need that at least two successive stages
to have a clock division factor of 1. A serious synchronization problem may therefore occur if 2
different off-chip clocks are provided to the chip because they are probably not correlated. One
solution would be to take the same off-chip clock for this division factor of 1.
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The second solution is the one implemented in this chip, so every phase in Fig. 6.3 is
associated with the corresponding stage. For instance, φ1d1, φ1d2 or φ1d3 correspond
to φ1d for the respective stage numbers 1, 2 or 3. The generation of all the phases is
briefly explained below.

Figure 6.11 shows how the clock division and the phase generation of the stages
are carried out. The external clock signal is connected to a frequency divider with
division factors 1, 2, 4 and 8. The divider outputs are selected via a multiplexer
controlled by signals CLKDivi<j> for each stage i. An AND gate will then turn off
the master clock of each stage if PDi is active. This prevents any switching activity
in the phases of the stage that is switched off with PDi. This strategy results in less
power consumption and less switching noise. Details on the design of the clock phase
generator at transistor level will be provided in Sect. 6.4.4.
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Fig. 6.13 Block diagram of the serial-in parallel-out register

6.3.3.1 Clock Divider

Figure 6.12 shows the clock divider schematic. Four different clock signals (Out1-4)
are obtained from the division in frequency of the input clock (Clock) by factors
1, 2, 4 and 8, respectively. The division is based on T flip-flops in series. Each of
these elements makes use of an XOR gate together with a D flip-flop inside a local
feedback loop to perform a division by 2 in frequency.

6.3.4 Control Signals Generation

Altogether the modulator reconfiguration strategies entail the use of 90 control sig-
nals. Such a large number requires a serial-to-parallel solution to provide the signals
to the chip. To this purpose, a serial-to-parallel register—the block diagram of which
is depicted in Fig. 6.13—is used to collect serial input data (In) and transform it into
90 parallel control bits (Outi). The serial output of the shift register (OutSerial) can be
captured off-chip to verify that the shifting and loading operations were performed
correctly. The figures show how two registers are used. The one at the top is used
to shift the data in serial mode, while the one at the bottom places all the signals
previously shifted by the register at the top in parallel. A clock input signal (Clock)—
different from that of the ��M—is needed for the operations of the registers. An
additional input signal (Load) enables either the shifting operation in the top register
or the loading in the bottom register in Fig. 6.13.

Figure 6.14 illustrates the encoding of the serial input word, while Table 6.6 pro-
vides a brief description of the functionality of the control signals. There are 5 control
signals in the table—denoted as NoUse<4:0>. These were initially contemplated but
finally not needed.

6.3.4.1 Serial-to-Parallel Control Register

2 × 90 D flip-flops (DFFs) are needed to implement the two registers in Fig. 6.13. If
a flat scheme is directly implemented, fan-out issues [Geig90] will impose the use of
power-hungry buffers in order to drive Load and Clock signals to the 2 × 90 DFFs.
In order to drive this heavy load more efficiently, the DFFs of the 90-bit register are
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Table 6.6 Description of the serial control word
Index Signal name Description

1..3 PD1:3 Stages power down signals
4..6 PD3L1:3 Control of quantizers resolution
7..9 PDRes2<1:3> Resonation control for 2nd stage

10..12 PDRes3<1:3> Resonation control for 3rd stage
13 SL2 Enabling concurrency for 2nd stage
14 SL3 Enabling concurrency for 3rd stage

15, 16 CLKDiv1<1:2> Clock division for 1st-stage clock phases
17, 18 CLKDiv2<1:2> Clock division for 2nd-stage clock phases
19, 20 CLKDiv3<1:2> Clock division for 3rd-stage clock phases
21..25 BiasAdd1<0:4>

Analog adder biasing26..30 BiasAdd2<0:4>
31..35 BiasAdd3<0:4>
36..40 BiasAmp1<0:4>

Opamp biasing

41..45 BiasAmp2<0:4>
46..50 BiasAmp3<0:4>
51..55 BiasAmp4<0:4>
56..60 BiasAmp5<0:4>
61..65 BiasAmp6<0:4>
66..70 BiasQuant1<0:4>

Comparator preamplifiers biasing in the quantizers71..75 BiasQuant2<0:4>
76..80 BiasQuant3<0:4>
81..85 NoUse<0:4> No use
86..90 BiasTest<0:4> Opamp biasing test

grouped into 4-bit sections with small local buffers to internally drive the signals.
Fig. 6.15 depicts this basic cell comprising 4 shifting flip-flops and 4 loading ones.
Note from Fig. 6.15 that local buffers are also used at each parallel output. These
buffers do not need high driving capabilities since the corresponding signals will also
be buffered locally when used far away from the driving point.
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Figure 6.16 shows the complete schematic of the serial-to-parallel register, in
which the cell in Fig. 6.15 is used as the basic element. The last element in the
schematic is made up of only 2 shifting and 2 loading flip-flops. Note that this im-
plementation allows a tree structure for the distribution and routing of the register
clock (Clock) and the signal Load, which simplifies the design and the layout as well
as reducing buffer power consumption as stated above.

6.3.4.2 Timing Operation

Figure 6.17 illustrates the timing diagram of both the shifting and the loading oper-
ations, sequentially. The serial input signal In changes at a rate given by the clock
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signal Clock when Load is in shifting mode (logical 0). In this mode, each of the
flip-flops in the top row of Fig. 6.15 shifts the serial stream at every rising edge of
the Clock signal. The loading operation occurs at the rising edges of Load signal by
capturing the output of the 90 shifting flip-flops at that very moment; i.e., the output
of the last 90 cycles in which Load was in shifting mode. Following this scheme,
exactly 90 cycles are needed in shifting mode to provide the 90 control signals. No
reset is included in the serial-to-parallel register, so the values of the loading regis-
ter outputs remain unknown until the Load signal is activated. Note that, after the
preloading of the register as indicated in Fig. 6.17, OutSerial provides the output of
the shift register in an in-series configuration; i.e., each bit of the serial output shifts
sequentially with the falling edges of the Clock signal when Load is ′0′ as indicated
in Fig. 6.18. This can be used to verify that the serial register is shifting the bits
properly when testing.
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6.3.4.3 Layout

Figure 6.19 shows the layout floorplan of the serial-to-parallel register, together with
the distribution of all its signals. The figure indicates that the last cell register is
a 2-bit cell, while all the previous ones are 4-bit register cells. The input signal
serial data, In, is routed from the first to the last cell. In contrast, Clock and Load
signals are provided from the last cell sequentially to the preceding cells. This routing
strategy potentially prevents the register from triggering a flip-flop before another
positioned later in the serial connection due to routing delays. Otherwise, this might
have resulted in an erroneous serial-to-parallel conversion. Furthermore, the speed
of this clock can be made as low as desired, so high-frequency issues can easily be
avoided.

6.4 Electrical Design: Reuse and Improvements of Previously
Designed Building Blocks

The previous section illustrates how the reconfiguration strategies in the ��M have
been implemented at the electrical level. This section presents the design of the main
modulator blocks (amplifiers, comparators, etc) at the transistor level. As will be
seen, most of them have been reused from the prototype presented in Chap. 5. The
modifications and improvements of these blocks will be also addressed.

6.4.1 Amplifiers

The amplifier used in this modulator prototype is basically the folded-cascade am-
plifier presented in Fig. 5.10, with a minor modification; namely, an increase of
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Table 6.7 Equivalent capacitive loads of each integrator and adder
L Eq. load Int. #1 Int. #2 Adder #1 Int. #3 Int. #4 Adder #2 Int. #5 Int. #6 Adder #3

6
 (pF) 0.62 2.04 0.35 0.71 2.55 0.35 0.71 0.82 0.35

 (pF) 0.42 0.31 1.02 0.76 0.29 1.24 0.76 0.29 1.24

4
 (pF) 0.62 2.04 0.35 0.71 0.82 0.35

 (pF) 0.42 0.31 1.02 0.76 0.29 1.24

2
 (pF) 0.62 0.68 0.35

 (pF) 0.42 0.31 1.02

Ceq s,

Ceq i,

Ceq s,

Ceq i,

Ceq s,

Ceq i,

Table 6.8 Results for amplifier performance obtained by simulation at the transistor level
IB (μA) 5 10 20 30 40 50 60

DC gain (dB) 47.09 47.16 47.31 47.13 46.71 46.1 45.34
gm (mA/V) 1.02 1.71 2.77 3.66 4.35 4.87 5.46
GBi (MHz) 524 878 1422 1879 2233 2500 2803
GBs (MHz) 79 133 216 285 339 380 426
Phase margin (º) 68.54 70.19 71.91 73.02 73.65 74.09 74.61
Io (μA) 42.77 91.66 193.9 298.4 404.1 510.5 617.4
SRi (V/μs) 57 125 269 417 571 726 884
SRs (V/μs) 7 15 33 52 71 90 110

 (pF) 0.31

 (pF) 2.04

Input cap. (fF) 162.5 172.2 179.6 184.0 187.6 190.8 193.7
Output cap. (fF) 26.72 20.57 14.14 12.14 10.12 9.08 8.46
Output swing (V) 0.96 0.91 0.83 0.76 0.7 0.64 0.59
Power (mW) 0.28 0.53 1.01 1.48 1.94 2.4 2.85

Ceq i,
Ceq s,

± ± ± ± ± ± ±

150% in the transistor sizes at the differential input pair. This results in a larger DC
gain and GB for the same bias current, IB. However, the input parasitic capacitance
of the opamp is also higher. The equivalent capacitive loads during integration and
sampling—defined in (5.9)—may be also greater. This is partially compensated by
using small unit capacitors if possible. Table 6.7 shows the equivalent capacitive
loads of the amplifiers for the different orders to which the ��M can be configured.
Note that their values are comparable to those in the previous prototype, listed in
Table 5.8.

Table 6.8 summarizes the amplifier performance for different values of IB. Note
that Table 6.8 considers the equivalent capacitive loads given by Table 6.7 for the
second integrator in either a 2-2-2 cascade configuration or 2-2 cascade configuration.
Dynamic performance is shown based on the transconductance (gm), GB during
integration and sampling phases (GBi and GBs, respectively), the current at the
opamp output branch (Io) and SR during integration and sampling phases (SRi and
SRs, respectively). GBi, GBs, SRi and SRs are used to compare dynamic performance
between the opamp in Chap. 5 and this one. Since the values of the equivalent



6.4 Electrical Design: Reuse and Improvements of Previously Designed Building Blocks 225

0 0.5 1 1.5 2 2.5 3 3.5 4
0

1

2

3

4

5

6

7

8

9

Power (mW)
0 0.5 1 1.5 2 2.5 3 3.5 4

0

100

200

300

400

500

600

700

800

900

I o
 (
μA

)

Power (mW)

0 0.5 1 1.5 2 2.5 3 3.5 4
36

38

40

42

44

46

48

50

g
m

 (
m

A
/V

) 
D

C
 g

ai
n 

(d
B

)

Power (mW)
0 0.5 1 1.5 2 2.5 3 3.5 4

0.4

0.5

0.6

0.7

0.8

0.9

1

1.1

O
ut

pu
t s

w
in

g 
(V

)

Power (mW)

0.2

Best

Nominal

Worst

Best

Nominal

Worst

Best

Nominal

Worst

Best

Nominal

Worst

a b

c d

Fig. 6.20 Opamp performance adaptability on: a transconductance, b output current, c DC gain,
d output swing

capacitive loads are similar in both cases and gm is greater in this case, better dynamic
performance can be expected. This can easily be verified by a visual comparison of
Tables 5.9 and 6.8 for the amplifiers in Chap. 5 and those in this design. For instance,
GBi and GBs are 194 and 170% greater when this design is compared with that
presented in Sect. 5.3.1 for IB = 40 μA, while SRi and SRs are 120 and 134% greater.
These results coincide with the reduction in the equivalent loads (79 and 90% for the
integration and sampling equivalent capacitive loads, respectively) but also vindicate
the use of greater sizes of transistors for the input differential pair. This strategy also
helps to increase the opamp gain by approximately 3 dB.

The variation in the opamp simulated results versus IB are considered together
with a corner analysis that includes a ± 5% supply variation, slow and fast devices
and a temperature range of [−40◦C, +85◦C]. Figure 6.20 illustrates the variation
in the opamp gm, Io, DC gain and output swing with IB. The best, nominal and
worst-case results of the corner simulations are also shown in the figure.

Figure 6.21 illustrates the variation in the opamp gain non-linearities with IB.
Fig. 6.21a depicts the DC transfer characteristic and how it is modified by IB, while
Fig. 6.21b shows the evolution of the opamp non-linear gain versus IB.
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Fig. 6.22 Comparator
preamplifier schematic
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6.4.2 Comparators

The same comparator architecture from previous prototypes—a preamplifier, re-
generative and set-reset latches—is again used here. However, an SC network is
included at the comparator input to improve preamplifier performance and to en-
able the implementation of a reconfiguration strategy for the embedded quantizer
resolution—either 3 or 5 levels. The regenerative and set-reset latches are the same
as in Chap. 5, whereas the sizing of the preamplifier is modified to improve its
performance.

Given that the sampling and subtraction of the differential signals and references is
performed in this prototype by an SC network at the comparator input, only one input
differential pair is now required at the preamplifier compared to previous prototypes.

Figure 6.22 shows the preamplifier schematic, in which the DC current flowing
through the output loading transistors is halved for the same bias current nIB when
compared to Fig. 5.21. This leads to greater output resistance of the preamplifier
and, consequently, to higher DC gain. The ratio n of the NMOS current mirror is
also modified from 4 to 16. This helps to increase SR and GB for a lower IB that can
be adjusted on-chip. This preamplifier is based on that presented in Sect. 5.3.4 but
with an increase of 150% in the sizes of the transistors in the input differential pair.
This improves the DC gain and the GB and SR performances. M3 and M3BIAS sizes
are also changed to keep transistor M3 in strong saturation in accordance with the
operation range of IB. A NMOS transistor is included in the preamplifier schematic
in Fig. 6.22 to power down the block with either PD or PDStg5L signals depending
on the comparator type as indicated in Fig. 6.5.

The preamplifier performance is evaluated through transistor-level simulations.
Then, the offset is characterized based on a different method, which will later be
conceptually compared with the ones used in the previous chapters. Monte Carlo
and corner simulations are used for these simulations.

Figure 6.23 illustrates the variation in several preamplifier features as a function
of its bias current; namely, GB, DC gain, SR and power consumption.
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Fig. 6.24 Input signal for offset characterization: a ramp signal, b triangular approach

Offset can be characterized in a number of ways. For instance, a ramp input
signal might be used or the bisectional method employed as presented in Chaps. 4
and 5, respectively. Fig. 6.24 compares the approach based on a ramp input with
another based on a triangular input. All the regenerative latches of the comparators are
discrete-time because a trigger signal is needed for the regenerative operation. This
solution, compared to its continuous-time counterpart, results in faster comparators
[Malo01]. However, a time grid is needed for the characterization of these systems
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Table 6.9 Results of comparator performance obtained by electrical simulation

Offset (mV)
mean sigma worst case
0.78 1.56 1.60

tlh (ps) thl (ps)

mean sigma worst case mean sigma worst case
280.7 20.9 325.0 174.4 3.9 270.0

given by the trigger signal periodicity (τ ). This entails a certain offset grid in voltage,
ε, when either a ramp or a triangular input signal are employed13.

A method based on an input ramp does not allow for memory or hysteresis issues
in the comparator operation because the voltage value of the input signal is always
growing. The ramp method can therefore be considered an optimistic approximation.
A more realistic solution that does allow for the aforementioned problems in the
comparator can be implemented with a sinusoidal or triangular input signal. If a
sinusoidal input is used, there must not be any correlation in frequency between its
periodic frequency and that of the comparator trigger; otherwise, the same input
signal will be taken reiteratively. However, more conservative results are obtained
with a triangular input signal because this signal is forced to take alternative signs in
order to allow for memory effects. In this case, the values of the input signal change
at the same time as the comparator trigger. The absolute value of the input amplitude
is increased every 2 cycles by the chosen comparator grid ε. Note that the slope of
the input signal changes its sign every cycle to produce the triangular shape.

Table 6.9 shows the offset results for the triangular input signal approach. Low-to-
high and high-to-low resolution times (tlh and thl, respectively) are also included in
the table. 200-run Monte Carlo simulations, together with the worst case of a corner
analysis considering fast and slow device models, ± 5% variation in the 1.2-V supply
and temperatures in the range of [−40 ◦C, +85 ◦C], are considered.

6.4.3 Switches

As shown in Sect. 5.3.3, a ratio of WPMOS/WNMOS = 3.125 provides an equalized DC
response of the switch on-resistance. This ratio is maintained for all the switches
in this ��M. There is also a trade-off between the mean value of the switch on-
resistance and the drain and source parasitic capacitances of its CMOS transistors.
Fig. 6.25 illustrates how these two features change with the PMOS transistor width,
while maintaining the relation WPMOS/WNMOS = 3.125. The criterion for the sizing of
the switch transistors is to use large transistors in the switches in which high linearity
and high speed are required, and low sizes for low values of capacitive parasitics in

13 Note that the bisectional approach also presents a certain offset resolution or grid that is dependent
on the number of interval divisions as described in Sect 5.3.4.
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Fig. 6.25 Electrical simulation results of the switches versus transistors sizes: a on-resistance,
b parasitic capacitances

the SC branches with small capacitors. This way, the influence of capacitive parasitics
is diminished. The sizes employed are those with PMOS widths of 12, 6, 3, 1.5 and
0.75 μm.

6.4.4 Clock Phase Generators

As stated in Sect. 6.3.3, each stage of the ��M can operate at different frequencies.
To that purpose, the external clock signal is initially divided in frequency by factors
1, 2, 4 and 8 and the corresponding set of non-overlapped phases is the generated
for each ��M stage (see Fig. 6.11).

Details on the clock phase generators and the distribution and routing of the clock
phases are given below.

6.4.4.1 Clock Phase Generation

This circuitry transforms its input clock into two non-overlapped phases and their
delayed versions. Fig. 6.26 shows its schematic, which is very similar to the one
presented in Chap. 5. The only difference is the inclusion of 2 additional inverters
(highlighted in the figure) after the two-input inverter; i.e., just before driving the out-
put phases. This leads to an increase in the non-overlapping time between the phases
[Park01, Silv04b, Ruiz09] as will be indicated below in the post-layout simulations.
This helps the ��M to operate faster.

6.4.4.2 Phase Distribution

The chip presented in Chap. 5 makes use of a very wide bus for phases routing and
distribution. Modification of this scheme is unavoidable in this case since each stage



6.4 Electrical Design: Reuse and Improvements of Previously Designed Building Blocks 231

Clock

M1

M1

4 Inverters

4 Inverters

4 Inverters

4 Inverters

4 Inverters

4 Inverters

φ2

φ1

φ1d

φ2d

Fig. 6.26 Clock phases generator

must be able to operate at different frequencies. This drastically increases the number
of phases to be routed, which—together with a larger number of DAC levels (from
3 to 5) and of ��M stages (from 2 to 3)—makes it necessary to reduce the width of
the bus.

The phase distribution is similar to that described in Sect. 5.3.6. A U-shaped bus is
therefore used for this purpose. Each phase is isolated using a Faraday cage [Krau92]
with 2 ground walls at each side of the signal. A number of modifications are carried
out in this design to reduce the bus width, namely:

• Only the phases, their delayed versions and the DAC outputs are routed along
the chip. Unlike the phases bus in Chap. 5, the inverted versions of all previous
signals are not globally routed but locally generated by an inverter instead. This
results in the distribution of 30 signals, whereas 31 were needed for the phases in
Chap. 5.

• The spacing among the 2 parallel isolating ground paths and the distance from
the signal path to the surrounding isolating grounds are both reduced.

Altogether, these strategies reduce the bus width by 45%.
The LCR lumped model of the bus routed along the chip has been obtained

following the procedure described in Sect. 4.4.6—see Fig. 4.19d—so it has been
considered in the electrical simulations of this prototype. The model is divided into
three sections, each of them corresponding to a stage in the modulator. The lengths
of the bus for the first, second and third stages are estimated in a worst case as 1.5,
1.4 and 1.2 mm, respectively.
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Table 6.10 Parameters of the LCR lumped model for the bus routing

��M stage Worst-case bus length LT (pH) CT (fF) RT (�)

First 1.5 mm 600 150 315
Second 1.4 mm 560 140 294
Third 1.2 mm 480 120 252

Table 6.10 indicates the parameters of the LCR lumped model. Note that, although
the bus width is considerably reduced compared to the prototype in Chap. 5, the value
of parasitics, specially capacitive parasitics, has increased.

All clock phases are locally buffered to the transistors gates of the switches, using
one buffer for the NMOS transistor gate and an inverter for the PMOS gate. This
relaxes the driving requirements of the phase buffers that are routed along most of the
layout in this ��M. Their fan-outs are therefore reduced by 50% and, consequently,
the power consumption is also diminished. Furthermore, most of the reconfiguration
digital control gates—see Fig. 6.3c—are also implemented locally to each switch
when needed. This also helps to reduce the number of routing signals in the phases
bus and, thus, to diminish both power—because there are less phases buffers—and
also area consumed by the phases bus.

Post-layout simulations contemplating the buffers and the LCR lumped models
mentioned above have been performed. The effective operation times for the sampling
and the integration phases are 77 and 79% of half of the clock period respectively for a
clock frequency of 320 MHz. The resulting non-overlapping time is 2.3 times greater
than that in Chap. 5 (see Sect. 5.3.6), while the falling phase delay is approximately
75 ps.

6.4.5 DAC and ROM

Figure 6.27 shows the digital gates used to binary encode the quantizer digital outputs
dj that control the D/A operation of the feedback switches. A number of buffers—not
shown in the figure—are used, and their fan-out and that of the DAC digital gates
are adjusted to obtain the same delay for every output of the DAC control logic in
Fig. 6.27.

Figure 6.28 depicts the ROM schematic, the outputs of which are directly captured
off-chip. Note that the control signals PD3L and PD5L are needed to allow for the
dual resolution mode of the quantizers.

For a given active code in the quantizer dj, there is a certain codification of the
modulator output bit streams in the ROMs. There is also a relationship between
the latter codes (active code in the quantizer output and modulator output code)
and the in-loop fed back voltage, which is indicated in Table 6.11. Note from this
table that the encoding of the modulator’s output (i.e., the binary codification of the
ROM) is not implemented as a conventional increasing binary code. In contrast, this
code allows the transistors in Fig. 6.28 to be shared for both types of configurations
(3 and 5 levels) and, as a result, simplifies the circuitry in the ROM. As described in
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Sect. 6.2 (see Fig. 6.3), two sampling capacitors are used for the in-loop feedback
operation in a 5-level configuration of the DAC and only one sampling capacitor in
the 3-level configuration. The logic governing the connection of the corresponding
SC branches to V+

r , Vcm and V−
r in phase φ2d is also included in Table 6.11.

6.5 Layout, PCB and Test Set-up

This section describes the layout of the chip, putting special emphasis on the pad I/O
ring. The schematic and the layout of the PCB are shown and the main differences
with that in Chap. 5 are addressed. Finally, the test set-up, that will be the starting
point of the experimental characterization in next section, is explained.
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Table 6.11 Truth table for the ROM encoding and the corresponding DAC output voltages

Active code 
of the 

quantizer
output

Encoding of the 
modulator output DAC output voltage

Yi2 Yi1 Yi0
1st SC branch 2nd SC branch

5 levels
d4 1 0 0 1 0 0 1 0 0
d3 0 1 0 0 1 0 1 0 0
d2 1 0 1 0 1 0 0 1 0
d1 0 1 1 0 0 1 0 1 0
d0 0 0 1 0 0 1 0 0 1

3 levels
d4

---
1 0 1 0 0

d2 0 0 0 1 0
d0 0 1 0 0 1

Vr
+ Vcm Vr

- Vr
+ Vcm Vr

-

6.5.1 Layout

Figure 6.29 shows the layout of the chip, in which the main ��M building blocks
are highlighted, while Fig. 6.30 shows its microphotograph. This layout makes use
of all the techniques reported in Chaps. 4 and 5 to improve performance, such as the
extensive use of common-centroid techniques, capacitive decoupling, guard rings,
supplies and grounds isolation of the different layout regions and fully differential
implementation.

The prototype in Chap. 5 (see Fig. 5.33) uses a dedicated region for the buffers of
the clock phases but the corresponding guard ring isolating ground is shared with that
of the chip’s main mixed-mode region. The mixed-mode region in this prototype is
divided into 2 regions with different guard rings and corresponding isolating grounds.
The main mixed-mode part is devoted to the switches of integrators and analog adders,
and to the regenerative latches of comparators, while the buffers of the clock phases
are included in a different region with its own ground, supply and guard ring isolating
ground. This helps to reduce coupling of the switching noise generated in the phase
buffers into the other mixed-mode sections of the chip.

6.5.1.1 Pad I/O Ring

Figure 6.31 depicts the pad I/O ring, which makes use of several techniques—
explained below—to improve isolation of the different layout regions. Digital I/O
cells type A are implemented based on I/O library cells, while the others—including
the type B for digital supplies—are full custom. The main layout regions are isolated
on the I/O ring as well. Also, the fastest switching digital part is placed as far as
possible from the most sensitive analog part in both the chip layout and the I/O ring.
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Fig. 6.29 Layout of the ��M prototype (SPR stands for serial-to-parallel register)

The I/O ring is physically cut at 2 points to avoid switching noise coupling. This
is done between the digital portion of the I/O ring type A—which includes the clock,
triggers, ��M outputs and signals devoted to the SPR, and the I/O supplies—, and
that of the I/O ring type B and the analog region. Furthermore, the supplies of each
region are not connected in the I/O ring. The grounds, however, are connected through
2 diodes in anti-parallel configuration to provide not only a virtual cut but also ESD
protection [Chun06]. The supplies and grounds of each region need to be routed inside
their associated I/O ring portion. Wide strips and stacked metals are used to reduce
resistance parasitics. These parasitics reduction techniques are specially exploited
for the analog supplies and grounds. Note that the term “supplies” in Fig. 6.31 refers
to the supply, ground and isolating ground employed for the corresponding guard
ring.

Three pads are used for biasing purposes. One of them is used to generate the
on-chip master current via an off-chip resistor directly connected to the pad as shown
in Fig. 6.8. The other two are used for testing purposes. One is devoted to the opamp
biasing while the other is devoted to the comparator preamplifier biasing. This allows
the on-chip generated currents to be the measured as described in Sect. 6.3.1.
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Fig. 6.30 Microphotograph of the chip

There are 4 dedicated pads for the serial-to-parallel register, as shown in Fig. 6.31.
The input pins are the serial data signal, the input clock and the loading/shifting
activation signal. The serial output can be captured for testing purposes.

A dedicated ground called VPH_BUS is used to take the noisy isolating ground of
the clock phases bus out of the chip. VPH_BUS is not connected to the I/O ring in any
way, so as to prevent coupling with other grounds or signals. Indeed, wide metals in
stack are used to route this signal out of the chip through a very low impedance path.

Figure 6.31 also shows how double bonding is used for the ��M reference
voltages (V+

r and V−
r ), to halve their bonding parasitic inductances. The analog

ground and supply also use 3 and 2 pads, respectively. These pads are placed in an
interleaved parallel configuration to reduce their parasitic inductances as explained
in Sect. 5.4.

The lack of reference in the capturing time of the chip in Chap. 5—as described
in Sect. 5.5.1—has been solved in this prototype. To this purpose, a set of triggering
signals—denoted as triggers in Figs. 6.31 and 6.33—are extracted off-chip and, later,
used in the logic analyzer to enable the capture. Three triggering signals are provided
off-chip because of the possible multi-rating operation in each stage, so a triggering
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Fig. 6.31 Layout of the I/O pad ring and its corresponding region divisions

signal for each stage is needed when concurrency is enabled in all stages. In these
signals the outputs of the comparators are as stable as possible; i.e., the farthest in
time from the comparator strobe. Note from Fig. 6.4 that the triggering operation
therefore corresponds to the falling edge of signals φ2j.

Figure 6.32 shows the bonding diagram of the chip, which is depicted with the
same orientation as the layout in Fig. 6.29. The employed package is a 64-pin ceramic
QFP [Phil00]. The crosses indicate the double bonding pins in the figure (��M
reference voltages). A number of pins are unconnected. Two of them are placed
between the analog and the digital portion of the I/O ring to reduce parasitics due to
mutual inductance coupling. Also, the VPH_BUS pin has an unconnected pin on both
sides. The other unconnected pins are placed in the corners of the cavity because
these pins have the longest bonding wires and, thus, the largest parasitic inductances.
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Fig. 6.32 Bonding diagram of the chip prototype

6.5.2 PCB

Figure 6.33 shows the schematic of the PCB that has been designed to characterize
the chip. The main differences with the PCB presented in Sect. 5.4.1 are listed below:

• There are 3 different input signals which can be provided off-chip in order to
convert them in parallel when the 3 stages work concurrently. Three anti-aliasing
filters are therefore needed. There are also two different kinds of connectors.
One of them is for slow and medium speed. This connector is prepared for a
differential signal generator with a common-mode voltage generated on-chip.
The other input connector is prepared for high speed. It is based on a single-ended
signal generator that, in general, is more common in test equipment than its
differential counterpart14. However, an extra small PCB with a fully-differential
opamp in follower configuration is needed to transform the single-ended input
signal into a fully-differential one with the common-mode voltage imposed by
the chip.

14 This is specially the case here given the number of input signals that can be processed in parallel.
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Supply
planes

Ground
planes

Fig. 6.34 Layout of the PCB

• There is no regulator for the supplies. This allows more flexibility for testing
since each supply can be independently varied off-chip. However, a large number
of connectors are needed for all these supplies, thus leading to an area-hungry
solution. π filtering and capacitive decoupling are also employed here for the
supplies and the reference voltages.

• The serial input control word is provided by an off-chip pattern generator. The
pattern generator provides not only the serial data but also the associated clock and
the loading/shifting activation signal15. This allows an efficient implementation
of the timing diagram in Fig. 6.17 and avoids synchronization problems among
the 3 signals. A set of buffers is mounted on the PCB to adapt the voltage levels
of the pattern generator (3.3 V) to that of the on-chip I/O pad ring cells (2.5 V).

• The grounds and supplies separations on the PCB follows a similar procedure
to the one explained in Sect. 5.4.1. Fig. 6.34 illustrates this on the PCB layout,
where the physical separations between the supplies and grounds PCB planes can
be clearly seen. Fig. 6.35 shows a photograph of the PCB, in which the divisions
of the planes used for supplies and grounds are visible. As visible from the photo,
the use of so many supply connectors makes the PCB very large.

15 The generation of the aforementioned signals has been automated via some MATLAB [Math08a]
scripts and a Visual Basic [Bale99] function that has been included in the pattern generator.
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Fig. 6.35 Photograph of the PCB

6.5.3 Test Set-up

The test set-up employed is the same used for the prototype in Chap. 5 (see Sect. 5.5.2)
and the second test set-up in Chap. 4 (see Sect. 4.6). The experimental characteriza-
tion of the chip was therefore based on a logic analyzer that captures the bit streams
of the different stages in the modulator. After acquisition, MATLAB [Math08a] is
used to perform the digital post-processing on the captured data.

6.6 Experimental Results

Measurement results on the chip performance are presented in this section. These
results indicate a correct operation of most of the flexible strategies incorporated to
the prototype.



242 6 A 1.2-V 90-nm CMOS Adaptive Concurrent Resonation-Based 2-2-2 Cascade

10
2

10
8

10
7

10
6

10
5

10
4

10
3

–120

–100

–80

–60

–40

–20

0

20

Frequency (Hz)

M
ag

ni
tu

de
 (

dB
)

3 levels

5 levels

Fig. 6.36 Illustration of internal quantization reconfiguration

6.6.1 Reconfiguration of the Internal Quantization

Figure 6.36 shows two spectra obtained from a 256 k-point FFT of the first-stage mod-
ulator output and the corresponding cumulative error power. These measurements
have been obtained for a modulator clock frequency of 40 MHz and a –30dBFS input
tone. The number of levels in the first-stage embedded quantizer is reconfigured from
3 to 5. Note from the high-frequency region in Fig. 6.36 that the quantization error
power considerably reduces when 5 levels are used in comparison to 3 levels. White
noise in the low-frequency range however increases, but the in-band error power is
the same for both configurations at 240 kHz approximately.

Note that there is no visible offset component in Fig. 6.36 (and in the remaining
spectra in this section). Although the offset power is similar to that obtained for the
prototype in Chap. 5, mean value of the codified output bit stream and, consequently,
the offset component in the spectra have been removed by software for the sake of
clarity.

6.6.2 Adjustable Modulator Order

The variation of the modulator order has been also experimentally checked. The last
two stages have been switched off and their building blocks powered down. The
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Fig. 6.37 Illustration of the reconfiguration of the modulator order

output bit streams corresponding to the second and the third stage in the modulator
remained static, as checked with an oscilloscope. The triggering outputs (phases
φ2i in Fig. 6.3) used to synchronize the capture operation of the logic analyzer also
remain quiet for the second and third modulator stages.

Figure 6.37 illustrates the reconfiguration of the modulator order. Three different
configurations can be obtained as shown in the figure; namely, a 2nd-order single-
loop, a 4th-order 2-2 cascade and a 6th-order 2-2-2 cascade. In this measurement,
all embedded quantizers employ 5 levels and the clock frequency is 40 MHz. The
input signal is a -30-dBFS single tone. Fig. 6.37 indicates that, from 300 kHz to
7.5 MHz approximately, the 2-2 cascade configuration reduces quantization noise
when compared to the 2nd-order single-loop configuration due to the increased noise
shaping. Note from the figure that a reduction of approximately 5 dB in the IBE power
is only obtained for the 2-2-2 cascade when compared to the 2-2 cascade. This is
due to noise leakages of the first modulator stages as expected. The third stage can
however work concurrently as will be shown next.

6.6.3 Concurrency

Figure 6.38 shows two experimental examples of concurrent operation. Fig. 6.38a
depicts two modulator stages operating in parallel. To this purpose, a clock frequency
of 40 MHz is used and a −37dBFS@20 kHz input tone is provided to the first stage,
while a −42dBFS@200 kHz to the second stage at the same time. Fig. 6.38b illus-
trates the concurrent operation of the first and third stages with respective inputs of
−12-dBFS@200 kHz and −37dBFS@20 kHz. Note from Fig. 6.38 that concurrency
is functional in both cases, although the noise floor and non-linearities increase.
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6.6.4 Adaptive Biasing

As stated in Sect. 6.3.1, the modulator incorporates on-chip adaptation of the bias
currents for the opamps and comparator preamplifiers in the embedded quantizers.
There are two test points that can be used to measure the reconfigurable currents for
both opamps and also comparator preamplifiers. Experimental measurements have
been performed for the opamps, indicating that the corresponding bias currents can
be successfully adapted on-chip. The opamp bias currents can be reconfigured from
4 μA to 75 μA.

Figure 6.39 shows the reconfiguration of the power dissipation of the analog part
of the modulator by varying the control word of the on-chip binary-weighted current
mirrors. Two cases are contemplated in the figure; namely:

• The variation of the bias currents in opamps, all to the same value. In this case, the
comparator preamplifiers in the quantizers are not biased, so they do not contribute
to the overall analog power. To this purpose, none of the control switches in the
binary-weighted current mirror are activated for the comparator preamplifiers (see
Fig. 6.9). In addition, three modulator configurations are included in the figure:
2nd-order single-loop, 2-2 MASH and 2-2-2 MASH configurations.

• The variation of the bias currents of comparator preamplifiers in the embedded
quantizers. Opamps are not biased for these measurements and the modulator is
configured as a 2-2-2 cascade ��M with 3-level internal quantization.

As shown in Fig. 6.39, biasing reconfiguration operates correctly and provides a
monotonic control of the bias current value. The dissipation reduction due to the
power down of non-used stages can also be observed by simply comparing the three
modulator configurations for opamp biasing.
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6.7 Summary

This chapter shows the design and experimental characterization of a very flexible
��M intended to enable the A/D conversion in 4G and concurrent transceivers.
Many reconfiguration strategies have been employed to increase chip functionality
and adaptability to each operation mode. Resonation, quantizer resolution adaptation
and multi-rating are novel strategies incorporated to those used in Chaps. 4 and
5. This prototype is also capable of processing a number of wireless standards in
parallel. To the authors’knowledge this is the first chip that implements this appealing
feature, making it the first of a possible series of devices with boosted flexibility and
concurrent capabilities for an SDR scenario.

Experimental results validate the use of most of the flexible strategies imple-
mented, including concurrency or parallel capabilities.



Chapter 7
Performance of the Prototypes and Comparison
with the State of the Art

This chapter briefly sums up the measured performance of the three prototypes pre-
sented in this book. The two first designed ICs are compared with the state of the art
in reconfigurable ADCs intended for multi-standard wireless applications.

7.1 Performance of the Designed Prototypes

Table 7.1 shows the measured performance of the first two designed �� modulators
in Chaps. 4 and 5. This comparison contemplates the figures of merit (FoM1 and
FoM2), defined in Sect. 2.7 and respectively proposed by [Good96] and [Rabi97].

Table 7.2 summarizes the flexible strategies implemented in the prototypes
presented in this book. They are classified as strategies at the architectural level—
such as adaptive modulator loop-filter order, adjustable resolution of the internal
quantization, use of resonation and concurrency—and at the circuit level—which
contemplates adaptive biasing of the modulator building blocks and programmable
sampling frequency. The main features, reconfiguration capabilities and performance
of the three prototypes will be also discussed below.

Prototype labelled ‘A’ refers to that presented in Chap. 4. This reconfigurable SC
��M uses a 4th-order 3-stage cascade topology (2-1-1 ��M). The prototype is
implemented in a 130-nm 1P8M CMOS process, with supply voltages of 1.2 V (for
digital IOs) and 3.3 V (for the rest of the circuitry). A differential reference volt-
age of 2.4-V is used. The last stage of the modulator is switchable and its building
blocks can be powered down when the stage is switched off to save power. This
way, the order of the cascade and, consequently, also of the NTF filtering are varied
from 4 to 3. The internal resolution of this last stage can be modified from 1 to 2
bits, so a dual-quantization scheme can be employed in the modulator for further
reducing in-band quantization noise. The modulator also incorporates circuit-level
reconfigurable techniques, such as adaptive opamp biasing and variation of the sam-
pling frequency. The use of these strategies allows the modulator to feature dynamic
ranges of 83.8/75.9/58.7 dB within signal bandwidths of 200 kHz/1 MHz/4 MHz with
a power consumption of 23.9/24.5/44.5 mW.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 247
DOI 10.1007/978-1-4614-0037-0_7, © Springer Science+Business Media, LLC 2011
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Table 7.1 Measured performance summary of the first two designed prototypes

PROTOTYPE A

Standard GSM BT UMTS
Modulator architecture

Differential reference voltage 2.4 V
OSR

BW (MHz)
Sampling frequency (MHz)

DR (dB)
Peak SNDR (dB)

FoM1

FoM2 x 105

Core area 0.65/0.76a mm2

a This value includes the area occupied by the bandgap and the reference buffer.

Power consumptionb (mW)

b Digital output buffers and reference buffer are not included.

23.9 24.5 44.5

Supply voltage 3.3 V/1.2V
Process 130-nm 1P8M CMOS

PROTOTYPE B

Standard GSM BT GPS UMTS DVB-H WiMAX
Modulator architecture 2(3-level) 2(3-level)-2(3-level)

Differential reference voltage 2.4 V
OSR

BW (MHz)
Sampling frequency (MHz)

DR (dB)
Peak SNDR (dB)

FoM1

FoM2 x 105

Core area 0.66 mm2  (pads excluded)
Power consumption (mW)

Supply voltage 1.2 V
Process 90-nm 1P9M CMOS

2-1-1(2bits)2-1

100 20 10
0.2 1 4

40 80
83.8
78.7
8.5

2.1

75.9
71.3
4.1

1.8

58.7
53.7
14.1

0.1

200
0.1
40

78.0
72.3

5.3

2.0

4.6

80
0.5
80

70.0
68.0

2.4

2.3

5.3

60
1

30
2

15
4

12
10

120 240
71.5
65.4

2.0

1.9

66.0
63.3

1.7

1.8

62.0
59.1

1.4

1.3

52.0
48.7

2.5

0.2

6.2 8.0 11.0

Prototype labelled ‘B’ refers to that presented in Chap. 5. It consists of a
2-2 cascade with unity-STF stages and 3-level embedded quantizers. This chip is
implemented in a 90-nm digital CMOS technology and operates with a single supply
voltage of 1.2 V. A 2.4-V differential reference voltage is used to maximize reso-
lution. The order of the modulator can be varied from 4 to 2. In the latter case, the
back-end stage is switched off and its building blocks are also powered down to save
power. This prototype allows the variation of the biasing in opamps and comparator
preamplifiers. To this purpose, off-chip potentiometers are used, so that the number
of biasing configurations—i.e., the number of possible generated bias currents—is
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Table 7.2 Reconfiguration techniques implemented in the prototypes of this book

ARCHITECTURAL LEVEL

Prototype NTF filtering 
order

Internal
quantization Resonation

Concurrency
1st 

stage
2nd 

stage
3rd

stage

A 3rd 4th
Back-end
quantizer

---
1bit 2bit

B 2nd 4th ---

C 2nd 4th 6th

All quantizers
Stage

All stages

3levels 5levels
2SLa

a This term (2SL) refers to the use of the stage as a stand-alone 2nd-order M.

2nd 3rd 2-2 MASH 2SL
CIRCUIT LEVEL

Prototype
Biasing Sampling frequency

Control Controlled
blocks

# of biasing modes Control Range
(MHz)

A On-chip Opamps 3
Modulator

40-80

B Off-chip Opamps and
preamplifiers 

---

40-240
C On-chip

Opamps and
preamplifiers 

25(for each opamp and
quantizer) 

Modulator and 
each stage 
(multi-rating)

ΣΔ

2-2 MASH2SL
2SL 2SL

determined by the control steps in the potentiometers. The sampling frequencies
can be varied from 40 to 240 MHz in order to adjust the modulator OSRs. Exper-
imental measurements feature a dynamic range of 78/70/71.5/66/ 62/52 dB within
a signal bandwidth of 100 kHz/500 kHz/1 MHz/2 MHz/4 MHz/10 MHz and with a
power dissipation of 4.6/5.3/6.2/8.0/8.0/11.0 mW.

Prototype denoted as ‘C’ alludes to the modulator described in Chap. 6. This chip
is a 2-2-2 cascade with unity-STF stages. Similarly to prototype ‘B’, a 1.2-V 90-nm
CMOS technology and a 2.4-V differential reference voltage are also employed. The
chip can reconfigure its loop-filter order from 6 to 4 or 2, by switching off one or two
stages, respectively. The number of levels in each quantizer can be independently set
to either 3 or 5. Every stage can work either concurrently or as part of a cascade, so
that there are three possible configurations when performing concurrent operation
(see Table 7.2); namely, either the three stages working as part of a 2-2-2 cascade,
or the first or last two stages as a 2-2 cascade and the remaining stage as a stand-
alone 2nd-order single-loop. The architecture incorporates resonation in the last two
stages and it can work together with concurrency. This way, the last two stages can
resonate in one mode, while operating concurrently or, alternatively, a back-end
stage can incorporate resonation in a cascade configuration for other mode. There
are 7 possible resonation factors in each stage. A set of 5-bit binary-weighted current
mirrors are used on-chip to adjust the bias current of each opamp and of comparator
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preamplifiers in every quantizer. The sampling frequency can be set off-chip—as
performed in prototype ‘B’—or independently adjusted for each stage via an on-chip
clock divider.

Let us compare the prototypes proposed in this book. First, prototype ‘A’ will be
compared with ‘B’. Prototype ‘C’ will not be considered for a comparison in terms
of performance but only based on its reconfiguration capabilities.

Note from Table 7.1 that prototype ‘B’ considerably improves the performance of
prototype ‘A’. In fact, both the bandwidth and the number of considered standards
are expanded. Modulator ‘A’ is capable to operate on 1 decade and 1 octave—
from 200 kHz to 4 MHz, while modulator ‘B’ processes 2 decades of bandwidths in
frequency—from 100 kHz to 10 MHz. Furthermore, power consumption is greatly
reduced in prototype ‘B’. This difference is specially appreciable for a signal band-
width of 4 MHz (UMTS and DVB-H in prototype ‘A’and ‘B’, respectively), in which
1 bit more is obtained for prototype ‘B’. In this case, power consumption is reduced
to 18% (from 44.5 to only 8.0 mW). This reduction is also high for GSM (reduction
of 19%) but the achieved resolution decreases in approximately 1 bit for prototype
‘B’. The reduction in power dissipation are mainly due to:

• A lower supply voltage, which helps to reduce power consumption, although it
complicates the transistor-level design because of the low voltage headroom.

• The use of USTF, which helps to reduce the requirements of the opamps with low
supply voltage. As a result, prototype ‘B’—that uses a 2-2 cascade with USTF
stages—can operate at higher sampling frequencies with noteworthy lower power
consumption.

• More granularity in the reconfiguration strategies, specially those used at cir-
cuit level. Note from Table 7.2 that sampling frequencies rise up to 240 MHz in
prototype ‘B’, so larger OSRs can be used—specially for broadband standards
such as DVB-H or WiMAX. The modulator resolution is therefore increased but
the amplifiers speed must be increased as well. Prototype ‘B’ benefits from a
faster transistor operation because of technology scaling. In addition, opamp SR
requirements are greatly reduced by the use of USTF in stages.
There is a fine adjustment of the opamp biasing in comparison to prototype ‘A’
and the comparator preamplifiers are controlled as well. This feature is further
improved in prototype ‘C’ that incorporates an on-chip control.

Prototypes ‘B’ and ‘C’ use similar topologies but prototype ‘C’ also incorporates
additional architectural improvements, such as a larger modulator order, resonation,
adaptive quantization resolution in each stage, concurrency and multi-rating.

7.2 Comparison with the State of the Art

Table 7.3 and 7.4 sum up the state of the art in multi-mode multi-standard
CMOS ADCs, extracted from ICs reported in open literature [Burg01, Dezz03,
Salo03, Aria06, Chri07, Ouzo07, Bos10, Crom10, Chri10]. The performance is
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Table 7.3 State of the art in CMOS multi-standard �� ADCs
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Table 7.4 State of the art in CMOS multi-standard Nyquist-rate and hybrid ADCs

summarized in terms of the signal bandwidth, effective resolution and power con-
sumption for each IC and mode of operation. For the sake of completeness, the
employed reconfiguration strategies and the technological process of the corre-
sponding implementations are also included. For comparison purposes, their global
performance is quantified through FoM1and FoM2. The following observations can
be made from Table 7.3 and 7.4:

• Approximately 75% of reconfigurableADCs are based on �� modulation. More-
over, ��ADCs achieve larger resolutions than the rest for narrowband standards.
Reconfigurable pipeline ADCs usually cover a lower range of signal bandwidths
and are more appropriate for higher bandwidths, such as those required by
WiMAX and WLAN standards.

• SC circuit techniques have been traditionally used in most reported ��Ms. How-
ever, more and more reconfigurable ICs are being implemented using CT circuits,
especially in those applications targeting wideband signals and/or requiring low
power consumption.

• Most of multi-standard ��Ms only handle two or three standards and very few
cover operation modes with BW up to 10 MHz [Chri07, Ouzo07, Crom10] or
20 MHz in [Chri10].

• Although changing the sampling frequency (denoted as “Sampling” in Table 7.3
and in 7.41) has been the reconfiguration strategy most commonly applied, the
mandatory use of low oversampling ratios in wideband standards has forced
��Ms to achieve the required resolution by resorting to different strategies,
including: adaptive high-order shaping [Burg01, Aria06, Ouzo07, Crom10],

1 The value of the sampling frequency is twice the signal bandwidth in pipeline ADCs. Thus, unless
bandwidths are the same in all modes, the sampling frequency will be varied.
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switchable cascade topologies [Dezz03, Salo03, Chri07, Bos10, Chri10], pro-
grammable notches within the signal band [Ouzo07, Chri07, Chri10, Crom10]
and adaptive embedded quantizers [Dezz03, Chri10].

Figure 7.1 represents different figures of the state of the art in multi-mode SC ��Ms
extracted from the data in Table 7.3. Figure 7.1a and b place the reported perfor-
mances in the resolution- and normalized power-bandwidth planes (power consump-
tion by number of levels), respectively, whereas Fig. 7.1c and d compare the perfor-
mance of the SC ��M ICs in terms of the two FoMs, as defined in (2.35) and (2.36).

Prototype ‘A’, published in 2007 [Morg07b], was one of the first ��M ICs
that demonstrated reconfiguration operation, while complying with the requirements
of GSM, Bluetooth and UMTS. The covered range of signal bandwidths and the
achieved performance made it competitive with the state of the art at that time.

Prototype ‘B’ was recently published in [Morg10]. This ��M IC covers the re-
quirements of 6 standards (GSM, Bluetooth, GPS, UMTS, DVB-H and WiMAX);
i.e., it operates with the largest number of wireless standards, while covering one
of the widest regions of signal bandwidths (from 100 kHz to 10 MHz). This re-
gion is similar to that achieved in [Chri07] and it is only overpassed by [Chri10]
(from 100 kHz to 20 MHz). Note that slightly lower conversion bandwidth ranges
can be found in [Ouzo07] (from 200 kHz to 10 MHz) and [Crom10] (from 500 kHz
to 10 MHz). Prototype ‘B’ accomplishes competitive performance as illustrated in
Fig. 7.1. This chip achieves the best FoMs for DVB-H standard (with a signal band-
width of 4 MHz) when comparing only with SC ��Ms and the second best also
considering CT ��Ms.

Prototype ‘C’ can convert up to three modes in parallel. This prototype therefore
presents a clear advantage in a comparison with all the reconfigurable ICs in Table 7.3
and 7.4.

The prototypes presented in this book contribute to the state of the art of re-
configurable ADCs with competitive performance, while covering a large number
of wireless standards and a wide region in the resolution-versus-bandwidth plane,
thanks to the use of many reconfiguration strategies.



Appendix A
Study of Optimum Resonation

Chapter 3 shows different architectures that include resonation strategies. Some of
the NTFs zeros are thus shifted from DC to create notches optimally located within
the signal band in order to minimize the in-band quantization error power [Schr93].
The effect of the notches in the NTF frequency response will be evaluated in this
appendix.

A.1 Optimum Resonation Factors

Chapter 3 provides three different cases of resonation-based NTFs, namely:

• A second-order high-pass filter with a pair of complex conjugate zeros close to
the upper limit of the signal bandwidth.

• A fourth-order in-loop filter with two zeros in DC and another pair of zeros in
optimal locations within the signal band.

• A 2-2 cascade ��M with all NTF zeros optimally spread over the unit circle is
not usually employed in conventional cascade ��Ms—including those made of
unity-STF stages—because the digital cancellation logic must compensate one
of the two resonation coefficients employed. This results in a more complex
implementation of the corresponding digital cancellation logic [Sanc06]. Chap-
ter 3 however presents three architectures that circumvent this issue. The scheme
of the first topology is depicted in Fig. 3.37, which exploits the use of local res-
onation in the two stages of an SMASH ��Ms made up of unity-STF stages. All
the four zeros of the NTF corresponding to the last-stage quantizer error can be
placed in optimal location in the unit circle, while the contribution of the first-
stage quantizer error is removed due to the unity-STF implementation in the last
stage. The second and third architectures, respectively shown in Figs. 3.49 and
3.51, use local resonation in the first stage of an SMASH ��M with also global
resonation. An optimum location of all zeros of the second-stage quantization
error is obtained due to the combined used of both types of resonation, whereas
only two of the five (or of the four) zeros of the first-stage quantization error are
moved from DC for the architecture in Fig. 3.49 (or Fig. 3.51).

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 255
DOI 10.1007/978-1-4614-0037-0, © Springer Science+Business Media, LLC 2011
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The three different cases of resonation-based NTFs initially presented are summa-
rized in Table A.1, where L stands for the ��M order, β stands for the number
of complex conjugated zeros spread over the unit circle, �SNR stands for the res-
olution improvement provided by the corresponding NTF1 notches and f zn stands
for the location of the zeros normalized to BW. A set of references are also given in
Table A.1 in which a study of the optimum zero locations can be found. The proposed
architectures with the corresponding NTFs are also included in the table.

The value of f zn gives the location of the optimum zero in frequency (f z) as
follows:

fz = fzn · BW = fzn · fs
2OSR

(A.1)

The equivalent angle in the Z unit circle is given by:

θz = 2π fz
fs

= fzn · π

OSR
(A.2)

Besides, the optimum resonation factor gopt is defined as follows [Sanc06, Sanc07]:

gopt = cos (θz) (A.3)

Therefore, once f zn is known—based, for example, on the information provided by
Table A.1—gopt can be obtained from (A.1), (A.2) and (A.3).

A.2 Effect of Spreading the NTF Zeros to Optimal Locations

The first type of resonation shown in Table A.1 is illustrated in Fig. A.1, where the
effect of OSR and resonation on the IBE power is shown for a second-order ��M
with NTF defined in (3.13)—first row of Table A.1. Note that (A.3) suggests that the
larger the OSR, the lower gopt for θz << 1. This can be observed in Fig. A.1 as well.

Figure A.2 shows the optimal distribution of the NTF zeros in the unit circle for an
OSR of 4, 8 and 16 when there are two optimized zeros in a fourth-order quantization
noise filtering—see second row of Table A.1. Figure A.3 depicts the effect of this
NTF zeros distribution on the noise shaping. The resolution improvement provided
by the optimum placement of two NTF zeros is illustrated in Fig. A.4 for an OSR of 4
and embedded quantizers with 4-bit resolution. Let us assume that the cascade ��M
employs global resonation as shown in Figs. 3.16 or 3.17. The optimum values of g/d
for an inter-stage gain d of 1 and 4 therefore are roughly 0.4 and 0.1, respectively.
These last values can be respectively implemented with capacitor ratios of 2/5 and
1/10. If there is no inter-stage signal scaling along the cascade ��M (d = 1), the
resolution is increased by 11 dB [Hamo06] as shown in Table A.1, whereas an
additional increase of 12 dB is achieved if d = 4 as expected from (3.15).

1 A factor d is included in the NTFs of the last two rows in the table assuming that there is an
inter-stage factor, d, in a 2-2 cascade ��M with resonation. d = 1 is assumed in this appendix
unless contrary stated.
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Table A.1 Optimum resonation factors

aThese architectures suffer from timing issues that make their implementation not reliable in
practice
bThere is an additional fifth-order shaped contribution of the first-stage quantization error to the
NTF of this cascade ��M [see (3.39)]
cIn this architecture, the additional contribution of the first-stage quantization error to NTF is
fourth-order shaped [see (3.41)]

Fig. A.1 Illustration of the
effect of resonation and OSR
for NTFs defined as (3.13)
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Fig. A.2 Optimum location
of two zeros in the unit circle
for a 4th-order filtering
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The third type of resonation-based NTF considered is that in which all the 4
zeros of a fourth-order NTF are optimally spread from DC to optimal locations.
Figure A.5 shows the variation of the IBE power with both coefficients g1 and g2.
An OSR of 4 and a last-stage tri-level quantizer are assumed in this last case. Both a
tri-dimensional and a contour plot are depicted in Fig. A.5a and b, respectively. If the
optimal coefficients are chosen (0.0709 and 0.4403), the resolution will improve in
approximately 13 dB [Schr93]. Figure A.5 shows that values for the resonation coef-
ficients close to the optimum ones still provide a resolution improvement, the lower
the further from the optimum values. This can help to make their electrical implemen-
tation of capacitor ratios easier. Let us assume, for instance, resonation coefficients
g1 = g2 = 0.25—that can be easily implemented as 1/4 capacitor ratios—still provide
9- and 2.5-dB resolution improvements compared to not using resonation (g1 = g2 = 0)
and compared to employing g1 = 0.25, g2 = 0 (or vice versa), respectively.
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Fig. A.5 Illustration of the
effect of the resonation
coefficient values on the IBE
power for OSR = 4: a IBE
versus g1 and g2, b contour
plot
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Figures A.6a and b show the optimum zeros location in the unit circle for the
respective OSR values of 4 and 8. The optimum coefficients are g1 = 0.0709 and
g2 = 0.4403 for OSR = 4, and g1 = 0.0178 and g2 = 0.1133 for OSR = 8. Figures A.6c
and d illustrate the effect of optimum zero placement on both the NTF and the
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Fig. A.6 Illustration of the optimal spread of all complex conjugated zeros in a fourth-order NTF:
a pole-zero plot for OSR = 4, b pole-zero plot for OSR = 8, c NTF amplitude versus frequency for
OSR = 4, d NTF amplitude versus frequency for OSR = 8

cumulative response of |NTF(z)|2. The case in which all zeros are located at DC
[NTF(z) = (1 − z−1)4] is also included for comparison purposes. Note that the
cumulative response of |NTF(z)|2 is directly proportional to the IBE power. It can
be verified in these figures that a resolution improvement of approximately 13 dB is
obtained as predicted by [Schr93].

Note that if expandable cascade ��Ms are used (see Sect. 3.1), larger orders
and a larger number of optimum zeros can be spread over the unit circle. Analytical
expressions can be obtained for these cases by nulling the derivatives of the integrated
power of |NTF(z)|2 with frequency for the corresponding resonation coefficients, as
done in [Schr93] and [Sanc06]. By contrast, high-order cascade ��Ms that allow
the optimum location of more than two complex conjugated zeros can be difficult
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to study analytically2. A numerical approximation to the problem can be the most
effective approach in this case. To this purpose, figures as those depicted in Figs. A.1,
A.4 and A.5 can be useful.

2 Note that the solution when all NTF zeros are optimized (from 1 to 8) within the band of interest
can be found in [Schr93].



Appendix B
Design of Electrical Blocks for the Practical
Implementation of SMASH ��Ms

In general, SMASH architectures need a digital adder located inside the first-stage
loop, which entails an increase of the number of levels in the first-stage feed-
back DAC. Thus, DEM may be needed in practice when facing high-to-medium
resolutions.

As stated in Sect. 3.3, unity-STF SMASH ��Ms only have half of a clock cycle
(z−1/2) for the sequential timing operation of the quantizer, the digital addition, DEM
and the in-loop D/A conversion1. The quantizer can work very fast and the digital
adder too, since comparators in the quantizer can be based on very fast regenerative
latches and the last block is made of a small number of digital gates as illustrated
at the end of this appendix. The D/A operation can be divided as follows: first, the
digital DAC gates that work very fast and, secondly, the front-end integrator sampling
switches that perform the in-loop feedback operation, while being controlled by the
aforementioned gates. Therefore, given the small time slot that one half of a clock
cycle is, specially for wideband applications, there is no much room left for the DEM
scrambling operation.

This appendix presents an implementation of DEM compatible with high-speed
operation that allows to relax the timing requirements of the remaining blocks inside
the feedback loop. Two different approaches for the implementation of the DAC are
also presented and evaluated. Finally, two alternatives for the operation of the digital
adder and the corresponding implementations are also shown.

B.1 DEM

Data-weighted averaging (DWA) [Bair95] is probably the most widely used DEM
algorithm because of its efficiency. It is based on the sequential selection of unit
elements in a DAC, beginning with the first available element which has not been
previously used. A first-order noise shaping of the mismatch errors associated to the

1 Note that, aside from the digital adder, this timing requirement is usually the same for conventional
��Ms with multi-bit embedded quantizers.

A. Morgado et al., Nanometer CMOS Sigma-Delta Modulators for Software Defined Radio, 263
DOI 10.1007/978-1-4614-0037-0, © Springer Science+Business Media, LLC 2011
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Fig. B.1 DWA implementation: a standard scheme, b approach proposed in [Lee02]

Fig. B.2 High-speed and
low-area scheme proposed for
the implementation of DWA

Ultra-simlpified
     Registers

Additional Combinational logic

G and P Generators

Carry Look-Ahead
Logic Generation

out
DEM

C
rit

ic
al

 P
at

h

in DEM

DAC elements is obtained [Hend96] thus pushing the error power to high frequencies,
where it will be filtered out by the decimation filter.

Three possible implementations of the DWA algorithm are discussed in this
appendix. Figure B.1a shows the one traditionally selected which is not very time-
efficient; on the contrary, the approach depicted in Fig. B.1b [Lee02] improves the
timing performance. The reason for this is that the first approach performs the full
addition in the critical path, while only the carry outputs of the addition are needed
for performing the DEM scrambling operation. The second approach takes full ad-
vantage of this feature and makes the element rotation, G and P signals generation—
needed for the carry generation—and register loading in a non-critical time slot. The
latter topology replaces the full digital adder with an element rotator in order to reduce
the number of flip-flops. The approach proposed in this work, depicted in Fig. B.2,
consists of changing the rotator in Fig. B.1b with a full adder whose operation, con-
trary to the structure in Fig. B.1a, is not performed in the critical path. Moreover, an
additional advantage of the proposed approach is its low area occupation, since the
number of registers can be drastically reduced as explained below.

Let us consider, as an example, a practical implementation of the modulator
in Fig. 3.38 which uses 3- and 5-level quantization in the first and second stages,
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respectively, and an inter-stage scaling factor of 2 that leads to an in-loop 13-level
DAC in the front-end feedback operation. The implementation of the 13-level DEM
block following the DWA approach in Fig. B.1a would require 4 × 13 flip-flops, since
4 bits are needed to codify 13 levels. The implementation presented in [Lee02] would
use 1 + 2 + 4 + 8 flip-flops for 4 bits. Based on the data contained in those registers,
it is very simple to obtain that of the remaining elements. However, this can not be
directly applied to our specific case because the number of levels of the front-end
DAC (13) is not a power of two. A more efficient solution consists in using only one
flip-flop per bit, thus reducing the numbers of registers to only 4. The strategy shown
in Fig. B.2 is selected in order to diminish the area devoted to registers at the price of
a reduced increase in combinational logic and also in delay times for the generation
of the G and P signals used for the carry look-ahead operation. Note however that
this additional combinational block does not penalize the speed of the DEM since it
is located outside the critical path2.

B.1.1 DAC

Multi-bit DACs in ��Ms are usually implemented by a set of digital gates that
enables the feedback of either the positive or the negative reference voltages (V+

r and
V−

r ) to each feedback capacitor during the integration phase, as shown in Fig. B.3a.
An alternative implementation is depicted in Fig. B.3b, in which the common mode
(Vcm) is used as an additional voltage for the DAC feedback operation. This last
implementation reduces, in our specific case, the number of capacitors in the first

2 Indeed, the delay of the DEM block following the proposed approach after a full digital synthesis
in a 90-mm CMOS process shows to be only 360ps.
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integrator from 12 to only 6. These two alternatives for the front-end DAC will be
called “2-level” and “3-level” DAC implementations, respectively.

In order to verify the correct operation of the DWA implementation and to inves-
tigate the influence of both front-end DAC alternative realizations on the modulator
topology in Fig. 3.38, a set of behavioral simulations3 have been performed for the
operation modes that need a front-end multi-bit DAC in the multi-standard case study
in Sect. 3.2.3; i.e., for WiMAX, WLANa and WLANn. These simulations also allow
to compare the 2- and 3-level implementations of the front-end DAC.

Figure B.4 depicts the modulator SNDR curve when capacitors in the front-end
DAC present mismatches with a standard deviation of 0.5%. The cases with no DEM
and no mismatches are also depicted for comparison purposes. Note the evident
degradation of the performance when no DEM is employed, specially for WLANa.
Figure B.4 shows that there is no appreciable SNDR degradation due to mismatch
errors as large as 0.5% if the 2-level DAC implementation is used together with a
DWA scrambling operation (DWA 2L). However, an SNDR degradation larger than
10 dB comes out for a 3-level implementation of the DAC (DWA 3L) in WLANa
mode, being the degradation also highly dependent on the input level. These results
are consistent with the fact that the 3-level implementation is capable of scrambling
less capacitors—only 6 in this case study—while DWA 2L uses twice that number,

3 It is worth noting that the DWA algorithm has been included into SIMSIDES as a C-coded block
in the SIMULINK platform.



B.2 Digital Adder 267

Vr
+

Vr
+

0

1
2
---

Vr
–

Vr
–1

2
---

V r
+

V r
+

0

1
3
---

Vr
–

Vr
–1

3
---

V r
+

Vr
–

Q1 Q2 Q2
1
2
---–

Y

q12

q11

q10

q22

q21

q20

y6

y5

y4

y3

y2

y1

y0

2
3
---

2
3
---

y 6
q 12
q 20

q 12
q 22

q 20

y 5
q 12
q 21

q 11

y 3
q 11
q 21

y4

q 11
q 22

q 20

q 10

y2

y 1
q 10
q 21

y 0
q 10
q 22

a

b

Fig. B.5 Illustration of the digital subtraction of two 3-level quantizer outputs with d = 2:
a thermometric-quantized values and output addition, b corresponding schematic

so that a better randomization and, subsequently, a better linearity are expected, as
confirmed by these results.

B.2 Digital Adder

All the SMASH architectures proposed in Chap. 3 use an in-loop digital adder.
The operation and implementation and logic of the digital adder are illustrated in this
appendix by means of two examples. Figures B.5 and B.6 show the digital subtraction
of the output of a 3-level first-stage quantizer (Q1) and that of the second-stage
quantizer (Q2) with an inter-stage gain factor d = 2. The resolution of Q2 gives rise to
the examples in Figs. B.5 and B.6 for 3 and 5 levels, respectively. Both figures give
a thermometric representation of the digital values after quantization, after applying
the inter-stage scaling factor d and after performing the digital subtraction. Note that
the equivalent analog voltages of the corresponding DACs are enclosed in the figures
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Fig. B.6 Illustration of the digital subtraction of 3- and 5-level quantizer outputs with d = 2:
a thermometric-quantized values and output addition, b corresponding schematic

as well. Also, Figs. B.5 and B.6 include the gate-level implementation of the digital
adder.

The algorithm shown in Fig. B.6a, which can be implemented at the gate level as
shown in Fig. B.6b, has been included as a C-coded block in SIMSIDES [Ruiz05]
standing for the in-loop digital adder of the modulator in Fig. 3.38. Behavioral
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simulations show a correct performance of the ��M as shown in Figs. 3.39, 3.40 and
3.41; i.e., in the case study in Sect. 3.2.3. It is worth noting that the digital subtraction
entails the use of a larger number of levels at the modulator output when compared to
the resolution of the quantizers. If 3 and 3 levels, and 3 and 5 levels are respectively
used for the first- and second-stage quantizers with d = 2, the corresponding number
of levels of the modulator output will be 7 and 13 as illustrated in Figs. B.5 and B.6.
Digital addition also leads to an equivalent reference scaling factor that depends on
the full scale of the quantizers and the value of d. For instance, let us assume that
the reference voltages of the quantizers are the same and that d equals 1 or 2; the
resulting equivalent scaling factors will then be 1/ 2 and 2/ 3, respectively. Note that
the effective full scale of the ��M will be scaled by this same factor.
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