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Preface to the Second Edition

When Taylor & Francis Group (CRC Press) first suggested
an update to the 2006 first edition of the Electronic Design
Automation for Integrated Circuits Handbook, we realized
that almost a decade had passed in the electronics industry,
almost a complete era in the geological sense. We agreed
that the changes in electronic design automation (EDA) and
design methods warranted a once-in-a-decade update and
asked our original group of authors to update their chap-
ters. We also solicited some new authors for new topics that
seemed of particular relevance for a second edition. In addi-
tion, we added a new coeditor, Igor L. Markov, especially
since Louis K. Scheffer has moved out of the EDA industry.

Finding all the original authors was a challenge. Some
had retired or moved out of the industry, some had moved
to completely new roles, and some were just too busy to
contemplate a revision. However, many were still available
and happy to revise their chapters. Where appropriate, we
recruited new coauthors to revise, update, or replace a chap-
ter, highlighting the major changes that occurred during
the last decade.

It seems appropriate to quote from our original 2006
preface: “As we look at the state of electronics and IC design
in 2005-2006, we see that we may soon enter a major period
of change in the discipline.” And “Upon further consider-
ation, it is clear that the current EDA approaches have a
lot of life left in them.” This has been our finding in doing
the revision. Some rather revolutionary changes are still
coming; but to a great extent, most of the EDA algorithms,
tools, and methods have gone through evolutionary, rather
than revolutionary, change over the last decade. Most of the

major updates have occurred both in the initial phases of
the design flow, where the level of abstraction keeps rising in
order to support more functionality with lower NRE costs,
and in the final phases, where the complexity due to smaller
and smaller geometries is compounded by the slow progress
of shorter wavelength lithography.

Major challenges faced by the EDA industry and research-
ers do not so much require revising previously accumulated
knowledge but rather stimulate applying it in new ways and,
in some cases, developing new approaches. This is illustrated,
for example, by a new chapter on 3D circuit integration—
an exciting and promising development that is starting to
gain traction in the industry. Two more new chapters cover
gate sizing and clock tree synthesis, two areas that had been
nascent at the time of the first edition but experienced strong
growth and solid industry adoption in recent years.

We hope that the readers enjoy the improved depth and
the broader topic coverage offered in the second edition.

Luciano Lavagno
Torino, Italy

Igor L. Markov
Mountain View, California

Grant E. Martin
San Jose, California

Louis K. Scheffer
Washington, DC

xi



This page intentionally left blank



Preface to the First Edition

Electronic design automation (EDA) is a spectacular success
in the art of engineering. Over the last quarter of a century,
improved tools have raised designers’ productivity by a factor
of more than a thousand. Without EDA, Moore’s law would
remain a useless curiosity. Not a single billion-transistor chip
could be designed or debugged without these sophisticated
tools, so without EDA we would have no laptops, cell phones,
video games, or any of the other electronic devices we take
for granted.

Spurred by the ability to build bigger chips, EDA devel-
opers have largely kept pace, and these enormous chips can
still be designed, debugged, and tested, and in fact, with
decreasing time to market.

The story of EDA is much more complex than the pro-
gression of integrated circuit (IC) manufacturing, which
is based on simple physical scaling of critical dimensions.
EDA, on the other hand, evolves by a series of paradigm
shifts. Every chapter in this book, all 49 of them, was just
a gleam in some expert’s eye just a few decades ago. Then
it became a research topic, then an academic tool, and then
the focus of a start-up or two. Within a few years, it was sup-
ported by large commercial EDA vendors and is now part of
the conventional wisdom. Although users always complain
that today’s tools are not quite adequate for today’s designs,
the overall improvements in productivity have been remark-
able. After all, in what other field do people complain of only
a 21% compound annual growth in productivity, sustained
over three decades, as did the International Technology
Roadmap for Semiconductors in 1999?

And what is the future of EDA tools? As we look at the
state of electronics and integrated circuit design in the
2005-2006 time frame, we see that we may soon enter
a major period of change in the discipline. The classical
scaling approach to integrated circuits, spanning multiple
orders of magnitude in the size of devices over the last
401 years, looks set to last only a few more generations or
process nodes (though this has been argued many times in
the past and has invariably been proved to be too pessimistic
a projection). Conventional transistors and wiring may well
be replaced by new nano and biologically based technologies
that we are currently only beginning to experiment with.
This profound change will surely have a considerable impact
on the tools and methodologies used to design integrated
circuits. Should we be spending our efforts looking at CAD
for these future technologies or continue to improve the
tools we currently use?

Upon further consideration, it is clear that the current
EDA approaches have a lot of life left in them. With at

least a decade remaining in the evolution of current design
approaches, and hundreds of thousands or millions of
designs left that must either craft new ICs or use program-
mable versions of them, it is far too soon to forget about
today’s EDA approaches. And even if the technology changes
to radically new forms and structures, many of today’s EDA
concepts will be reused and evolved for design into tech-
nologies well beyond the current scope and thinking.

The field of EDA for ICs has grown well beyond the
point where any single individual can master it all, or even
be aware of the progress on all fronts. Therefore, there is a
pressing need to create a snapshot of this extremely broad
and diverse subject. Students need a way of learning about
the many disciplines and topics involved in the design tools
in widespread use today. As design becomes more and more
multidisciplinary, electronics designers and EDA tool devel-
opers need to broaden their scope. The methods used in one
subtopic may well have applicability to new topics as they
arise. All of electronics design can utilize a comprehensive
reference work in this field.

With this in mind, we invited many experts from across
all the disciplines involved in EDA to contribute chapters
summarizing and giving a comprehensive overview of their
particular topic or field. As might be appreciated, such chap-
ters, written in 2004—2005, represent a snapshot of the state
of the art. However, as surveys and overviews, they retain a
lasting educational and reference value that will be useful to
students and practitioners for many years to come.

With a large number of topics to cover, we decided to
split the handbook into two books. Electronic Design
Automation for IC System Design, Verification, and Testing
is Volume 1 and covers system-level design, micro-archi-
tectural design, and verification and test. Electronic Design
Automation for IC Implementation, Circuit Design, and
Process Technology is Volume 2 and covers the classical “RTL
to GDSII” design flow, incorporating synthesis, placement,
and routing, along with analog and mixed-signal design,
physical verification, analysis and extraction, and technol-
ogy CAD topics. These roughly correspond to the classical
“front-end/back-end” split in IC design, where the front end
(or logical design) focuses on ensuring that the design does
the right thing, assuming it can be implemented, and the
back end (or physical design) concentrates on generating the
detailed tooling required, while taking the logical function
as given. Despite limitations, this split has persisted through
the years—a complete and correct logical design, inde-
pendent of implementation, remains an excellent handoff
point between the two major portions of an IC design flow.
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Preface to the First Edition

Since IC designers and EDA developers often concentrate
on one side of this logical/physical split, this seemed to be a
good place to divide the book as well.

This volume, Electronic Design Automation for IC
Implementation, Circuit Design, and Process Technology
opens with an overview of the classical RTL to GDSII design
flows and then steps immediately into the logic synthesis
aspect of “synthesis, place, and route.” Power analysis and
optimization methods recur at several stages in the flow.
Recently, equivalence checking has become more reliable
and automated in standard IC flows. We then see chapters
on placement and routing and associated topics of static
timing analysis and structured digital design. The standard
back-end flow relies on standard digital libraries and design
databases and must produce IC designs that fit well into
packages and onto boards and hybrids. The relatively new
emphasis on design closure knits many aspects of the flow
together. Indeed, Chapter 13, on design closure, is a good
one to read right after Chapter 1 on design flows.

Before diving into the area of analog and mixed-signal
design, the handbook looks at the special methods appro-
priate to FPGA design—a growing area for rapid IC design
using underlying fixed but reprogrammable platforms. Then
we turn to analog design, where we cover simulation meth-
ods, advanced modeling, and layout tools. Physical verifica-
tion, analysis, and extraction covers design rule checking,

transformation of designs for manufacturability, analysis
of power supply noise and other noise issues, and layout
extraction. Finally, the handbook looks at process simula-
tion and device modeling and advanced parasitic extraction
as aspects of technology CAD for ICs.

This handbook with its two books constitutes a valuable
learning and reference work for everyone involved and inter-
ested in learning about electronic design and its associated
tools and methods. We hope that all readers will find it of
interest and that it will become a well-thumbed resource.

Louis K. Scheffer
Luciano Lavagno

Grant E. Martin

MATLAB® is a registered trademark of The MathWorks, Inc.
For product information, please contact:

The MathWorks, Inc.

3 Apple Hill Drive

Natick, MA 01760-2098 USA
Tel: 508-647-7000

Fax: 508-647-7001

E-mail: info@mathworks.com
Web: www.mathworks.com
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1.1 EVOLUTION OF DESIGN FLOWS

Scaling has driven digital integrated circuit (IC) implementation from a design flow that uses
primarily stand-alone synthesis, placement, and routing algorithms to an integrated construction
and analysis flow for design closure. This chapter will outline how the challenges of rising intercon-
nect delay led to a new way of thinking about and integrating design closure tools (see Chapter 13).
Scaling challenges such as power, routability, variability, reliability, ever-increasing design size, and
increasing analysis complexity will keep on challenging the current state of the art in design closure.

A modern electronic design automation (EDA) flow starts with a high-level description of
the design in a register-transfer-level (RTL) language, such as Verilog or VHDL, reducing design
work by abstracting circuit implementation issues. Automated tools synthesize the RTL to logic
gates from a standard cell library along with custom-designed macro cells, place the logic gates
on a floor plan, and route the wires connecting them. The layout of the various diffusion,
polysilicon, and metal layers composing the circuitry are specified in GDSII database format
for fabrication.

The RTL-to-GDSII flow has undergone significant changes in the past 30 years. The continued
scaling of CMOS technologies significantly changed the objectives of the various design steps.
The lack of good predictors for delay has led to significant changes in recent design flows. In this
chapter, we will describe what drove the design flow from a set of separate design steps to a fully
integrated approach and what further changes we see are coming to address the latest challenges.

Similar to the eras of EDA identified by Alberto Sangiovanni-Vincentelli in “The Tides of EDA”
[1], we distinguish three main eras in the development of the RTL-to-GDSII computer-aided
design flow: the Age of Invention, the Age of Implementation, and the Age of Integration. During
the invention era, logic synthesis, placement, routing, and static timing analysis were invented.
In the age of implementation, they were drastically improved by designing sophisticated data
structures and advanced algorithms. This allowed the software tools in each of these design steps
to keep pace with the rapidly increasing design sizes. However, due to the lack of good predictive
cost functions, it became impossible to execute a design flow by a set of discrete steps, no matter
how efficiently implemented each of the steps was, requiring multiple iterations through the flow
to close a design. This led to the age of integration where most of the design steps are performed
in an integrated environment, driven by a set of incremental cost analyzers.

Let us look at each of the eras in more detail and describe some of their characteristics and
changes to steps within the EDA design flow.

1.2 THE AGE OF INVENTION

In the early days, basic algorithms for routing, placement, timing analysis, and synthesis were
invented. Most of the early invention in physical design algorithms was driven by package and
board designs. Real estate was at a premium, and only a few routing layers were available and pins
were limited. Relatively few discrete components needed to be placed. Optimal algorithms of
high complexity were not a problem since we were dealing with few components.

In this era, basic partitioning, placement, and routing algorithms were invented. A fundamen-
tal step in the physical design flow is partitioning to subdivide a circuit into smaller portions to
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simplify floor planning and placement. Minimizing the wires crossing between circuit partitions is
important to allow focus on faster local optimizations within a partition, with fewer limiting con-
straints between partitions, and to minimize the use of limited global routing resources. In 1970,
Kernighan and Lin [2] developed a minimum cut partitioning heuristic to divide a circuit into
two equal sets of gates with the minimum number of nets crossing between the sets. Simulated
annealing [3] algorithms were pioneered for placement and allowed for a wide range of optimiza-
tion criteria to be deployed. Basic algorithms for channel, switch box, and maze routing [4] were
invented. By taking advantage of restricted topologies and design sizes, optimal algorithms could
be devised to deal with these particular situations.

1.3 THE AGE OF IMPLEMENTATION

With the advent of ICs, more and more focus shifted to design automation algorithms to deal
with them rather than boards. Traditional CMOS scaling allowed the sizes of these designs to
grow very rapidly. As design sizes grew, design tool implementation became extremely important
to keep up with the increasingly larger designs and to keep design time under control. New imple-
mentations and data structures were pioneered and algorithms that scaled most efficiently
became the standard.

As design sizes started to pick up, new layers of abstraction were invented. The invention of
standard cells allowed one to separate the detailed physical implementation of the cells from the
footprint image that is seen by the placement and routing algorithms. Large-scale application of
routing, placement, and later synthesis algorithms took off with the introduction of the concept
of standard cells.

The invention of the standard cell can be compared to the invention of the printing press.
While manual book writing was known before, it was a labor-intensive process. Significant
automation in the development of printing was enabled by keeping the height of the letters
fixed and letting the width of the base of each of the letters vary according to the letter’s size.
Similarly, in standard cell application-specific IC (ASIC) design, one uses standard cells of
common height but varying widths depending on the complexity of the single standard cell.
These libraries (Chapter 12) created significant levels of standardization and enabled large
degrees of automation. The invention of the first gate arrays took the standardization to an
even higher level.

This standardization allowed the creation of the ASIC business model, which created a
huge market opportunity for automation tools and spawned a number of innovations. Logic
synthesis [5] was invented to bridge the gap from language descriptions to these standard cell
implementations.

In the implementation era, a design flow could be pasted together from a sequence of discrete
steps (see Figure 1.1). RTL logic synthesis translated a Verilog or VHDL description, perform-
ing technology-independent optimizations of the netlist and then mapping it into a netlist with
technology gates, followed by further technology-dependent gate-level netlist optimization.

H.L. Syn. Log. Syn. Placement Routing
o~ HAA HAA HAH HSY
HDL RTL Netlist Placed NL
while (x < y) {
} g
[u}
po O
Predict
i
Accept
-

FIGURE 1.1 Sequential design flow.



6

1.3 The Age of Implementation

This was followed by placement of the gates and routing to connect them together. Finally, a tim-
ing simulator was used to verify the timing using a limited amount of extracted wiring parasitic
capacitance data.

Digital circuit sizes kept on increasing rapidly in this era, doubling in size every 2 years per
Moore’s law [6]. Logic synthesis has allowed rapid creation of netlists with millions of gates from
high-level RTL designs. ICs have grown from 40,000 gates in 1984 to 40,000,000 gates in 2000 to
billion gate designs in 2014.

New data structures like Quadtrees [7] and R-trees [8] allowed very efficient searches in
the geometric space. Applications of Boolean Decision Diagrams [9] enabled efficient Boolean
reasoning on significantly larger logic partitions.

Much progress was made in implementing partitioning algorithms. A more efficient version of
Kernighan and Lin’s partitioning algorithm was given by Fiduccia and Mattheyses [10]. They used
a specific algorithm for selecting vertices to move across the cut that saved runtime and allowed
for the handling of unbalanced partitions and nonuniform edge weights. An implementation
using spectral methods [11] proved to be very effective for certain problems. Yang [12] demon-
strated results that outperformed the two aforementioned methods by applying a network flow
algorithm iteratively.

Optimizing quadratic wire length became the holy grail in placement. Quadratic algorithms
took full advantage of this by deploying efficient quadratic optimization algorithms, intermixed
with various types of partitioning schemes [13].

Original techniques in logic synthesis, such as kernel and cube factoring, were applied to
small partitions of the network at a time. More efficient algorithms like global flow [14] and
redundancy removal [15] based on test generation could be applied to much larger designs.
Complete coverage of all timing paths by timing simulation became too impractical due to its
exponential dependence on design size, and static timing analysis [16] based on early work in
[17] was invented.

With larger designs came more routing layers, allowing over-the-cell routing and sharing of
intracell and intercell routing areas. Gridded routing abstractions matched the standard cell tem-
plates well and became the base for much improvement in routing speed. Hierarchical routing
abstractions such as global routing, switch box, and area routing were pioneered as effective ways
to decouple the routing problem.

Algorithms that are applicable to large-scale designs without partitioning must have order
of complexity less than O(n?) and preferably not more than O(n log n). These complexities were
met using the aforementioned advances in data structures and algorithms, allowing design tools
to handle large real problems. However, it became increasingly difficult to find appropriate cost
functions for such algorithms. Accurate prediction of the physical effects earlier in the design
flow became more difficult.

Let us discuss how the prediction of important design metrics evolved over time during the
implementation era. In the beginning of the implementation era, most of the important design
metrics such as area and delay were quite easy to predict. (Performance, power, and area are the
corresponding key metrics for today’s designs.) The optimization algorithms in each of the discrete
design steps were guided by objective functions that relied on these predictions. As long as the
final values of these metrics could be predicted with good accuracy, the RTL-to-GDSII flow could
indeed be executed in a sequence of fairly independent steps. However, the prediction of impor-
tant design metrics was becoming increasingly difficult. As we will see in the following sections,
this led to fundamental changes in the design closure flow. The simple sequencing of design steps
was not sufficient anymore.

Let us look at one class of the prediction functions, estimates of circuit delay, in more detail.
In the early technologies, the delay along a path was dominated by the delay of the gates. In addi-
tion, the delay of most gates was very similar. As a result, as long as one knew how many gates
there were on the critical path, one could reasonably predict the delay of the path by counting the
number of levels of gates on a path and multiplying that with a typical gate delay. The delay of a
circuit was therefore known as soon as logic synthesis had determined the number of logic levels
on each path. In fact, in early timing optimization, multiple gate sizes were used to keep delays
reasonably constant across different loadings rather than to actually improve the delay of a gate.
Right after the mapping to technology-dependent standard cells, the area could be reasonably
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TABLE 1.1 Gate Delays

Gate Logical Effort Intrinsic Delay FO4 Delay
INV 1.00 1.00 5.00
NAND2 1.18 1.34 6.06
NAND3 1.39 201 757
NAND4 1.62 2.36 8.84
NOR2 1.54 1.83 7.99
NOR3 2.08 278 11.10
NOR4 263 353 14.05

well predicted by adding up the cell areas. Neither subsequent placement nor routing steps would
change these two quantities significantly. Power and noise were not of very much concern in
these times.

In newer libraries, the delays of gates with different logic complexities started to vary
significantly. Table 1.1 shows the relative delays of different types of gates. The logical effort
characteristic indicates how the delay of the gate increases with load, and the intrinsic delay is the
load-independent contribution of the gate delay [18]. The fourth column of the table shows that
the fanout-of-4 (FO4) delay of a more complex NOR4 logic gate can be three times the delay of a
simple inverter. (The FO4 delay is the delay of an inverter driving a load capacitance that has four
times the inverter’s input pin capacitance. An FO4 delay is a very useful metric to measure gate
delay as it is mostly independent of process technology and operating conditions. Static gates vary
only 20% in FO4 delay over a variety of such conditions [19].)

Simple addition of logic levels is therefore insufficient to estimate path delay. Predicting the
delay of a design with reasonable accuracy requires knowing what gates the logic is actually
mapped to. It became necessary to include a static timing analysis engine (Chapter 6) in the
synthesis system to calculate these delays. The combination of timing and synthesis was the first
step on the way to the era of integration. This trend started gradually in the 1980s; but by the
beginning of the 1990s, integrated static timing analysis tools were essential to predict delays
accurately. Once a netlist was mapped to a particular technology and the gate loads could be
approximated, a pretty accurate prediction of the delay could be made by the timing analyzer.

At that time, approximating the gate load was relatively easy. The load was dominated by the
input capacitances of the gates that were driven. The fact that the capacitance of the wire was
estimated by an inaccurate wire load model was hardly an issue. Therefore, as long as the netlist
was not modified in the subsequent steps, the delay prediction was quite reliable.

Toward the mid-1990s, these predictions based on gate delays started losing accuracy. Gate
delays became increasingly dependent on the load capacitance driven as well as on the rise and
fall rates of the input signals (input slew) to the gates. At the same time, the fraction of loads due
to wire capacitance started to increase. Knowledge of the physical design became essential to
reasonably predict the delay of a path. Initially, it was mostly just the placement of the cells that
was needed. The placement affected the delay, but the wire route had much less impact, since any
route close to the minimum length would have similar load.

In newer technologies, more and more of the delay started to shift toward the interconnect.
Both gate and wire (RC) delay really began to matter. Figure 1.2 shows how the gate delay and
interconnect delay compare over a series of technology generations. With a Steiner tree approxi-
mation of the global routing, the lengths of the nets could be reasonably predicted. Using these
lengths, delays could be calculated for the longer nets. The loads from the short nets were not
very significant, and a guesstimate of these was still appropriate. Rapidly, it became clear that
it was very important to buffer the long nets really well. In Figure 1.2, we see that around the
130 nm node, the difference between a net with repeaters inserted at the right places and an
unbuffered net starts to have a significant impact on the delay. In automated place and route,
buffering of long wires became an integral part of physical design. Today’s standard approach
for repeater (buffer or inverter) insertion on long wires is van Ginneken’s dynamic program-
ming buffering algorithm [20] and derivatives thereof. Van Ginneken’s buffering algorithm has
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FIGURE 1.2 Gate and interconnect delay.

runtime complexity of O(n2), where 7 is the number of possible buffer positions, but this has been
improved to near-linear [21].

Recently, a wire’s physical environment has become more significant. Elmore RC wire delay
models are no longer accurate, and distributed RC network models must be used, accounting
for resistive shielding [22] and cross coupling. The cross-coupling capacitance between wires
has increased as the ratio between wire spacing and wire height decreases. Furthermore, optical
proximity effects when exposing the wafer vary depending on the distance between neighboring
wires and the resulting impact when etching the wires also affects their resistance. Therefore, the
actual routes for the wires from detailed routing are now very significant in predicting the delays.
Moreover, global routing estimates of routing congestion can differ significantly from the actual
routes taken, and global routing may mispredict where routing violations occur due to severe
detailed routing congestion [23].

Netlist optimizations, traditionally done in logic synthesis, became an important part of place
and route. Placement and routing systems that were designed to deal with static (not changing)
netlists had to be reinvented.

Until recently, postroute optimizations were limited to minor changes that would cause
minimal perturbation to avoid requiring a full reroute. These included footprint compatible cell
swaps, particularly for critical path delay fixing by swapping cells to low threshold voltage, and
leakage power minimization by swapping to high threshold voltage for paths with timing slack;
manual reroutes to overcome severe congestion; manual engineering change orders (ECOs); and
the use of metal programmable spare cells for fixes very late in the design cycle, avoiding the
need to redo base layers. However, the gap between global routing estimates and detailed routing
extracted capacitance and resistance have forced additional conservatism before detailed rout-
ing, for example, avoidance of small drive strength cells that will be badly affected by additional
wire capacitance, leaving significant optimization opportunities in postroute.

1.4 THE AGE OF INTEGRATION

This decrease in predictability continued and firmly planted us in the age of integration.
The following are some of the characteristics of this era:

The impact of later design steps is increasing.
Prediction is difficult.

Larger designs allow less manual intervention.
New cost functions are becoming more important.
Design decisions interact.

Aggressive designs allow less guardbanding.



Chapter 1 - Design Flows 9

The iterations between sequential design steps such as repeater insertion, gate sizing, and
placement steps not only became cumbersome and slow but often did not even converge. EDA
researchers and developers have explored several possible solutions to this convergence problem:

Insert controls for later design steps into the design source.
Fix problems at the end.

Improve prediction.

Concurrently design in different domains.

The insertion of controls proved to be very difficult. As illustrated in Figure 1.3, the path through
which source modifications influence the final design result can be very indirect, and it can be
very hard to understand the effect of particular controls with respect to a specific design and
tools methodology. Controls inserted early in the design flow might have a very different effect
than desired or anticipated on the final result. A late fix in the design flow requires an enor-
mous increase in manual design effort. Improving predictions has proven to be very difficult.
Gain-based delay models traded off area predictability for significant delay predictability and
gave some temporary relief, but in general it has been extremely hard to improve predictions. The
main lever seems to be concurrent design by integrating the synthesis, placement, and routing
domains and coupling them with the appropriate design analyzers.

After timing/synthesis integration, placement-driven (physical) synthesis was the next major
step on the integration path. Placement algorithms were added to the integrated static timing
analysis and logic synthesis environments. Well-integrated physical synthesis systems became
essential to tackle the design closure problems of the increasingly larger chips.

This integration trend is continuing. Gate-to-gate delay depends on the wire length (unknown
during synthesis), the layer of the wire (determined during routing), the configuration of the
neighboring wires (e.g., distance—near/far—which is unknown before detailed routing), and
the signal arrival times and slope of signals on the neighboring wires. Therefore, in the latest
technologies, we see that most of the routing needs to be completed to have a good handle on the
timing of a design. Local congestion issues might force a significant number of routing detours.
This needs to be accounted for and requires a significantly larger number of nets to be routed
earlier for design flow convergence. Coupling between nets affects both noise and delay in larger
portions of the design. Therefore, knowledge of the neighbors of a particular net is essential to
carry out the analysis to the required level of detail and requires a significant portion of the
local routing to be completed. In addition, power has become a very important design metric,
and noise issues are starting to significantly affect delays and even make designs function incor-
rectly. In addition to integrated static timing analysis, power and noise analyses need to be
included as well.

For example, white space postroute optimization to fix timing violations after routing is now
in common use. Added cells and resized cells are placed at a legal location in available white space
to avoid perturbing placement of the other cells and to minimize any changes to detailed routing

SH A HAA HAH HA
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FIGURE 1.3 Controlled design flow.
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between the other cells but allowing significant rerouting of nets connected to the modified cells.
Larger cells, particularly those of multiple standard cell row heights, may still not be permitted to
move in postroute optimization to limit the perturbation.

Consider the analysis of upsizing a cell to reduce short circuit power, which is determined
by input slews and load capacitances, in postroute white space dynamic power optimization.
This requires incremental evaluation of a new cell location with corresponding changes to
detailed routing. The setup and hold timing impact is checked across multiple corners and
modes with signal integrity cross talk analysis. Input slews to the cell are determined account-
ing for the impact on fanin load capacitance and the cell’s output slew that affects its fanouts.
The changed slews and extracted wire loads impact dynamic power consumption, and the tool
must also ensure no degradation in total power, which includes both dynamic and leakage power
in active mode. Such automated postroute optimizations can reduce cell area by up to 5%, helping
yield and reducing fabrication cost; postroute dynamic power reductions of up to 12% have been
achieved with Mentor Graphics’ Olympus-SoC™ place-and-route tool [24], reducing total power
consumption and extending battery life. Significant setup and hold timing violations can also be
fixed in an automated fashion. These are remarkable improvements given how late in the design
flow they are achieved, providing significant value to design teams.

These analysis and optimization algorithms need to work in an incremental fashion,
because runtime constraints prevent us from recalculating all the analysis results when
frequent design changes are made by the other algorithms. In the age of integration, not only
are the individual algorithms important, but the way they are integrated to reach closure on
the objectives of the design has become the differentiating factor. A fine-grained interaction
between these algorithms, guided by fast incremental timing, power, and area calculators, has
become essential.

In the era of integration, most progress has been made in the way the algorithms cooperate
with each other. Most principles of the original synthesis, placement, and routing algorithms
and their efficient implementations are still applicable, but their use in EDA tools has changed
significantly. In other cases, the required incrementality has led to interesting new algorithms—
for example, trialing different local optimizations with placement and global routing to pick the
best viable solution that speeds up a timing critical path [25]. While focusing on the integration,
we must retain our ability to focus on advanced problems in individual tool domains in order to
address new problems posed by technology and to continue to advance the capabilities of design
algorithms.

To achieve this, we have seen a shift to the development of EDA tools guided by four
interrelated principles:

. Tools must be integrated.

. Tools must be modular.

. Tools must operate incrementally.

. Tools must sparsely access only the data that they need to reduce memory usage and
runtime.

B W N =

Let us look at each of these in more detail in the following sections.

1.4.1 TOOL INTEGRATION

Tool integration allows them to directly communicate with each other. A superficial form of
integration can be provided by initiating, from a common user interface, the execution of
traditional point tools that read input from files and save output to files. A tighter form of inte-
gration allows tools to communicate while concurrently executing rather than only through files.
This tight integration is generally accomplished by building the tools on a common database
(see Chapter 15) or through a standardized message passing protocol.

Tool integration enables the reuse of functions in different domains because the over-
head of repeated file reading and writing is eliminated. This helps to reduce development
resource requirements and improve consistency between applications. Although tool
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integration enables incremental tool operation, it does not require it. For example, one could
integrate placement and routing programs and still have the placement run to completion
before starting routing. Careful design of an application can make it easier to integrate with
other applications on a common database model, even if it was originally written as a stand-
alone application.

Achieving tool integration requires an agreed-upon set of semantic elements in the design
representation in terms of which the tools can communicate. These elements generally con-
sist of cells, pins, and nets and their connectivity, cell placement locations, and wire routes.
Cells include standard cells, macros, and hierarchical design blocks. Individual applications
will augment this common data model with domain-specific information. For example, a static
timing analysis tool will typically include delay and test edge data structures. In order for an
integrated tool to accept queries in terms of the common data model elements, it must be able
to efficiently find the components of the domain-specific data associated with these elements.
Although this can be accomplished by name lookup, when integrated tools operate within a
common memory space, it is more efficient to use direct pointers. This, in turn, requires that the
common data model provide methods for applications to attach private pointers to the common
model elements and callbacks to keep them consistent when there are updates to the elements
(see Section 1.4.3.3).

1.4.2 MODULARITY

Modular tools are developed in small, independent pieces. This gives several benefits. It simplifies
incremental development because new algorithms can more easily be substituted for old ones if
the original implementation was modular. It facilitates reuse. Smaller modular utilities are easier
to reuse, since they have fewer side effects. It simplifies code development and maintenance,
making problems easier to isolate. Modules are easier to test independently. Tool modularity
should be made visible to and usable by application engineers and sophisticated users, allowing
them to integrate modular utilities through an extension language.

In the past, some projects have failed largely due to the lack of modularity [26]. To collect all
behavior associated with the common data model in one place, they also concentrated control
of what should be application-specific data. This made the data model too large and complicated
and inhibited the tuning and reorganization of data structures by individual applications.

1.4.3 INCREMENTAL TOOLS

Tools that operate incrementally update design information, or the design itself, without revisiting
or reprocessing the entire design. This enables fine-grained interaction between integrated tools.
For example, incremental processing capability in static timing analysis helps logic synthesis to
change a design and evaluate the effect of that change on timing, without requiring a complete
timing analysis to be performed.

Incremental processing can reduce the time required to cycle between analysis and optimization
tools. As a result, it can improve the frequency of tool interaction, allowing a better understanding
of the consequences of each optimization decision.

The ordering of actions between a set of incremental applications is important. If a tool like
synthesis invokes another incremental tool like timing analysis, it needs immediate access to the
effects of its actions as reported by the invoked tool. Therefore, the incremental invocation must
behave as if every incremental update occurs immediately after the event that precipitates it.

An example of incremental operation is fast what-if local timing analysis for a cell resize that
can be quickly rolled back to the original design state and timing state if the change is detrimental.
The local region of timing analysis may be limited to the cell, the cell’s fanouts because of out-
put slew impacting their delay, the cell’s fanins as their load is affected, and the fanins’ fanouts,
as fanin slews changed with the change in load. Timing changes are not allowed to propagate
beyond that region until the resize is committed or until global costing analysis is performed.
Fully accurate analysis would require propagating arrival times to the timing endpoints and then
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propagating back required times, which can be very runtime expensive. Even in a fu// incremental
timing analysis update, only those affected paths are traversed and updated, and timing is not
propagated further where the change is determined to have no impact, for example, if it remains
a subcritical side path.

There are four basic characteristics desirable in an incremental tool:

1. Autonomy to avoid explicit invocation and control of other engines, for example, by
registering callbacks so that an engine will be notified of events that impact it

2. Lazy evaluation to defer and minimize additional computation needed

3. Change notification to inform other engines of changes so that they may make associ-
ated updates where necessary

4. Reversibility to quickly undo changes, save, and restore

We shall explain these further in the following sections.

1431 AUTONOMY

Autonomy means that applications initiating events that precipitate changes in another incre-
mental tool engine do not need to notify explicitly the incremental tool of those events and that
applications using results from an incremental tool do not need to initiate explicitly or control the
incremental processing in that tool. Avoiding explicit change notification is important because
it simplifies making changes to a design and eliminates the need to update the application when
new incremental tools are added to the design tool environment. After registering callbacks,
incremental applications can be notified of relevant events.

Avoiding explicit control of other incremental tools is important so that the caller does not
need to understand the details of the incremental algorithm, facilitating future algorithmic
improvements and making mistakes less likely. It also simplifies the use of the incremental tool
by other applications.

14.3.2 LAZY EVALUATION (FULL AND PARTIAL)

Lazy evaluation means that an incremental tool should try, to the greatest extent possible, to
defer processing until the results are needed. This can save considerable processing time when
some results are never used. For example, consider a logic synthesis application making a series
of individual disconnections and reconnections of pins to accomplish some logic transforma-
tion. If an incremental timing analyzer updates the timing results after each of these individual
actions, it will end up recomputing time values many times, while only the last values computed
are actually used.

Lazy evaluation simplifies the flow of control when recalculating values. If we have interde-
pendent analysis functions that all try to update results when notified of a netlist change, then the
callbacks would have to be ordered to ensure that updates occur in the correct order. For example,
if timing updates are made before extraction updates, the timing results will be incorrect as stale
extraction results are being used. With lazy evaluation, each application performs only invalida-
tion when notified of a design change, then updates are ordered correctly through demand-driven
recomputation. After a netlist change, when timing is requested, the timing engine requests
extraction results before performing the delay computation. The extraction engine finds that the
existing extraction results have been invalidated by the callbacks from the netlist change, so it
updates those results, and only then is the timing analysis updated by the timing engine. An example
of this is shown in Figure 1.4.

Lazy evaluation may be full, if all pending updates are performed as soon as any information
is requested, or partial, if only those values needed to give the requested result are updated.
If partial lazy evaluation is used, the application must still retain enough information to be able to
determine which information has not yet been updated, since this information may be requested
later. Partial lazy evaluation is employed in some timing analyzers [27] by levelizing the design
and limiting the propagation of arrival and required times based on this levelization, providing
significant benefits in the runtime of the tool.
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FIGURE 1.4 This example shows change notification callbacks from the routing engine to the
extraction and timing analysis engines. There are lazy updates to the wire RC extraction and the tim-
ing analysis upon request from the timing engine and optimization engine, respectively.

14.3.3 CHANGE NOTIFICATION (CALLBACKS AND UNDIRECTED QUERIES)

With change notification, the incremental tool notifies other applications of changes that concern
them. This is more than just providing a means to query specific pieces of information from the
incremental tool, since the application needing the information may not be aware of all changes
that have occurred. In the simplest situations, a tool initiating a design change can assume that
it knows where consequent changes to analysis results (e.g., timing) will occur. In this case, no
change notification is required. But in other situations, a tool may need to respond not only
to direct changes in the semantic elements of the common data model but also to secondary
changes within specific application domains (e.g., changes in timing).

Change notification is important because the applications may not know where to find all
the incremental changes that affect them. For example, consider an incremental placement
tool used by logic synthesis. Logic synthesis might be able to determine the blocks that will be
directly replaced as a consequence of some logic change. But if the replacement of these blocks
has a ripple effect, which causes the replacement of other blocks (e.g., to open spaces for the first
set of replaced blocks), it would be much more difficult for logic synthesis to determine which
blocks are in this second set. Without change notification, the logic synthesis system would need
to examine all blocks in the design before and after every transformation to ensure that it has
accounted for all consequences of that transformation.

Change notification may occur immediately after the precipitating event or may be deferred
until requested. Immediate change notification can be provided through callback routines that
applications can register with and that are called whenever certain design changes occur.

Deferred change notification requires the incremental tool to accumulate change informa-
tion until a requesting application is ready for it. This requesting application will issue an undi-
rected query to ask for all changes of a particular type that have occurred since some checkpoint
(the same sort of checkpoint required for undoing design changes). It is particularly important
for analysis results, since an evaluation routine may be interested only in the cumulative effect
of a series of changes and may neither need nor want to pay the price (in nonlazy evaluation) of
immediate change notification.

A typical use of undirected queries is to get information about changes that have occurred
in the design, in order to decide whether or not to reverse the actions that caused the changes.
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For this purpose, information is needed not only about the resultant state of the design but
also about the original state so that the delta may be determined. (Did things get better or
worse?) Thus, the application making an undirected query needs to specify the starting point
from which changes will be measured. This should use the same checkpoint capability used to
provide reversibility.

14.34 REVERSIBILITY (SAVE/RESTORE AND RECOMPUTE)

Trial evaluation of candidate changes is important because of the many subtle effects any particu-
lar design change may cause and because of the order of complexity of most design problems.
An application makes a trial design change, examines the effects of that change as determined in
part by the incremental tools with which it is integrated, and then decides whether to accept or
reject the change. If such a change is rejected, we need to make sure that we can accurately recover
the previous design state, which means that all incremental tool results must be reversible.

Each incremental tool should handle the reversal of changes to the data for which it is
responsible. In some cases such as timing analysis, the changed data (e.g., arrival and required
times) can be deterministically derived from other design data, and it may be more efficient to
recompute them rather than to store and recover them. In other cases such as incremental
placement, changes involve heuristics that are not reversible, and previous state data must be
saved, for example, in a local stack. The incremental tool that handles the reversal of changes
should be the one actually responsible for storing affected data. Thus, changes to the netlist
initiated by logic synthesis should be reversed by the data model (or an independent layer built on
top of it) and not by logic synthesis itself.

All such model changes should be coordinated through a central undo facility. Such a facility
allows an application to set checkpoints to which it could return. Applications, which might have
information to undo, register callbacks with the facility to be called when such a checkpoint is
established or when a request is made to revert to a previous checkpoint.

Ordering of callbacks to various applications to undo changes requires care. One approach is
to examine the dependencies between incremental applications and decide on an overall ordering
that would eliminate conflicts. A simpler solution is to ensure that each atomic change can be
reversed and to have the central undo facility call for the reversal of all changes in the opposite
order from that in which they were originally made.

Applications can undo changes in their data in one of two ways, as outlined earlier. Save/restore
applications (e.g., placement) may merely store the previous state and restore it without requiring
calls to other applications. Recompute applications (e.g., timing analysis) may recompute previous
state data that can be uniquely determined from the state of the model. Recompute applications
generally do not have to register specific undo callbacks, but to allow them to operate, model change
callbacks (and all other change notification callbacks) must be issued for the reversal of model
changes just as they are for the original changes.

Such a central undo facility can also be used to help capture model change information.
This can be either to save to a file, for example, an ECO file, or to transmit to a concurrently
executing parallel process, on the same machine or another one, with which the current applications
need to synchronize.

Even when we choose to keep the results of a change, we may need to undo it and then redo
it. A typical incremental processing environment might first identify a timing problem area
and then try and evaluate several alternative transformations. The original model state must be
restored before each alternative is tried, and after all alternatives have been evaluated, the one
that gives the best result is then reapplied.

To make sure that we get the same result when we redo a transformation that we got when we
did it originally, we also need to be able to reverse an undo. Even for deterministic transforma-
tions, the exact result may depend on the order in which certain objects are visited, and such
orderings may not be semantic invariants and thus may be altered when undoing a change. Also,
a considerable amount of analysis may be required by some transformations to determine the
exact changes that are to be made, and we would like to skip this analysis when we redo the trans-
formation. Avoiding nondeterministic behavior is also highly desirable; otherwise, reproducing
faulty behavior during debug is fraught with complications.
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For these reasons, the central undo/ECO facility should be able to store and manage a tree of
checkpoints rather than just a single checkpoint. Trial transformations to a circuit may also be
nested, so we need to be able to stack multiple checkpoints.

It is important to remember that there is no magic bullet that will turn a nonincremental tool
into an incremental one. In addition to having a common infrastructure, including such things
as a common data model and a callback mechanism, appropriate incremental algorithms need to
be developed.

Following some of these guidelines also encourages incremental design automation tool
development. Rewriting tools is an expensive proposition. Few new ideas change all aspects of a
tool. Incremental development allows more stability in the tool interface, which is particularly
important for integrated applications. It also allows new ideas to be implemented and evaluated
more cheaply, and it can make a required function available more quickly.

1.4.4 SPARSE ACCESS

Sparse access refers to only loading the portion of the design and associated files that are neces-
sary to perform a given task and deferring loading additional data until needed. This can reduce
both memory usage and runtime by an order of magnitude in some cases.

For example, a design check to verify correct connectivity to sleep header cells for power
gating needs to only traverse the cell pin and net connections and may avoid loading libraries if
cell types are identified by a naming convention. The netlist portion traversed might be further
limited to just the nets connecting to the sleep header cells and the cells driving the sleep control
signal, ensuring that logic is connected to the always-on power supply.

Sparse access to netlist or parasitic data typically requires paging memory to disk with an
index to specify where to find data for a given cell or net. Likewise, cells within a library can be
indexed to provide individual access rather than loading the entire library, which can reduce the
memory overhead for loading composite current source (CCS) libraries by an order of magnitude
or more as only a few hundred cells are used out of several thousand. This may require prechar-
acterization of libraries, for example, to provide a cached list of which delay buffers are available
to fix hold violations and the subset of those that are Pareto optimal in terms of area or power
versus delay trade-off.

1441 MONOLITHIC EDA TOOLS AND MEMORY LIMITS

In-house tools at design companies are often fast point tools that load only the necessary portion
of the design and associated technology files or libraries to minimize the start-up runtime over-
head, as the task being performed may run in a minute to an hour. This can be illustrated by the
example of running tens of design checks across all the design blocks in parallel on a server farm
on a nightly basis. Such point tools are very useful to analyze and check designs for any significant
issues before launching further runs that will take significant time.

In contrast, commercial EDA tools have typically been designed for use in a monolithic
manner. One or more major flow steps would be performed within the tool, such as synthesis,
placement, and optimization; clock tree synthesis (CTS); post-CTS optimization; detailed rout-
ing; and postroute optimization. The entire design, technology files, and libraries are all loaded
taking significant memory. The initial loading runtime of several minutes is smaller compared to
that of the larger flow step being performed.

Commercial EDA tools are now facing tight memory limits when analyzing and optimizing
large designs across multiple processes and operating corners. A combination of 30 corners and
modes or more is not uncommon—for example, slow, typical, and fast process corners; low tem-
perature, room temperature, and high temperature; —5% voltage, typical voltage, and +5% voltage;
supply voltage modes such as 0.7, 0.9, and 1.1 V; and asleep, standby, awake, and scan operating
modes. CCS libraries can be 10 GB each, so just loading the libraries for all these corners can
be 100 GB or more of memory. Today’s designs are typically anywhere between blocks of sev-
eral hundred thousand gates to hundreds of millions of gates when analyzed in a flat manner at
the top level and can also take 100 GB or more of memory, particularly with standard parasitic
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exchange format (SPEF)—annotated parasitic capacitances. When running multithreaded across
a high-end 16 CPU core server to reduce runtimes that would otherwise take days, some data
must also be replicated to run multithreaded to avoid memory read/write collisions and to limit
pauses needed to synchronize data. Today’s server farms only have a few machines with 256GB
of memory, and servers with higher memory than that are very expensive.

EDA developers use a variety of standard programming techniques to reduce memory usage.
For example, a vector data structure takes less memory than a linked list (to store the same data),
whereas multiple Boolean variables may be packed as bits in a single CPU word and extracted
with bitmasks when needed. Duplicated data can be compressed, for example, during layout
versus schematic verification [28] where hierarchical representations of layout data represent
individual library cells containing many repeated geometric shapes. Memory usage, runtime,
and quality of results, such as circuit timing, area, and power, are carefully monitored across
regression suites to ensure that code changes in the EDA tool do not degrade results or tool
performance.

14.4.2 PARALLEL AND DISTRIBUTED COMPUTING FOR EDA

EDA vendors are migrating tools to work in a distributed manner with a controller on one
machine distributing task to workers on other machines to perform in parallel. Multithreading
and fork—join [28] are also common parallelism techniques used in EDA software, and they can
be combined with distributed computation. These methods can reduce runtime for analysis,
optimization, and verification by an order of magnitude. Shared resources can also be more
effectively used with appropriate queuing.

Many of the algorithms used in the RTL-to-GDSII flow are graph algorithms, branch-and-
bound search, or linear algebra matrix computations [29]. While most of these algorithms can be
parallelized, Amdahl’s law [30] limits the speedup due to the serial portion of the computation and
overheads for communication, cache coherency, and bottlenecks where synchronization between
processes is needed. Performance improvements with parallelism are also often overstated [31].

Much of the development time in parallelizing software actually focuses on reducing the
runtime of the serial portion, for example, avoiding mutually exclusive locks on shared resources
to minimize stalls where one process has to wait for another to complete. Fast and memory-
efficient implementations of serial algorithms, such as Dijkstra’s shortest-path algorithm [32],
are still very important in EDA as there is often no better parallel algorithm [31].

As an example of how distributed computing is used in EDA, optimization at several impor-
tant timing corners may require a server with a large amount of memory, but lower-memory
servers can verify that timing violations do not occur at other corners. Analysis at dominant
corners causing the majority of setup and hold timing violations reduces the need for analysis at
other corners. However, there are still cases where a fix at a dominant corner can cause a violation
at another corner, so it cannot be entirely avoided. The controller and the workers cannot afford
the memory overhead of loading libraries for all the corners, nor the additional analysis runtime.
Distributed optimization allows staying within the server memory limits. One worker performs
optimization with analysis at dominant corners only, with other workers verifying that a set of
changes do not violate constraints at the other corners.

Partitioning large designs into smaller portions that can be processed separately is a common
approach to enabling parallelism [29]. This may be done with min-cut partitioning [12] to minimize
cross-border constraints where there will be suboptimality. However, some regions may be overly
large due to reconvergent timing paths, latch-based timing, cross coupling between wires, and
other factors that limit a simple min-cut partitioning approach. The regions need to be sized so as
to balance loads between workers. How best to subpartition a design is a critical problem in EDA
[29] and varies by application. For example, timing optimization may consider just critical timing
paths, whereas area optimization may try to resize every cell that is not fixed.

Portions of a design can be rapidly optimized in parallel in a distributed manner. Border
constraints imposed to ensure consistency between workers’ changes to the design do reduce
the optimality. Individual workers use sparse access to just read the portion of the design that
they are optimizing, though logical connectivity may not be sufficient as cross-coupling analysis
considers physically nearby wires.
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Parallel computation can be a source of nondeterminism when multiple changes are performed
in parallel. To avoid this nondeterminism, incremental analysis on distributed workers may need
to use a consistent snapshot of the circuit with periodic synchronizations points at which changes
and analysis updates are done or undone in a fixed deterministic order. Some operations may also
need to be serial to ensure consistent behavior.

1.5 FUTURE SCALING CHALLENGES

In the previous sections, we mainly focused on how continued scaling changed the way we are
able to predict delay throughout the design flow. This has been one of the main drivers of the
design flow changes over the past two decades. However, new challenges require rethinking the
way we automate the design flow. In the following sections, we will describe some of these in
more detail and argue that they are leading to a design closure that requires an integrated,
incremental analysis of routability, power, noise, and variability (with required incremental
extraction tools) in addition to the well-established incremental timing analysis.

1.5.1 DYNAMIC AND LEAKAGE POWER

Tools have traditionally focused on minimizing both critical path delay and circuit area. As technology
dimensions have scaled down, the density of transistors has increased, mitigating the constraints
on area, but increasing the power density (power dissipated per unit area). Heat dissipation limits
the maximum chip power, which, in turn, limits switching frequency and hence how fast a chip
can run. By 90 nm technology, even some high-end microprocessor designers found power to be
a major constraint on performance [33]. Chapter 3 provides further detail on power analysis and
optimization beyond the discussion in this subsection.

The price of increasing circuit speed with Moore’s law has been an even faster increase in
dynamic power. The dynamic power due to switching a capacitance C with supply voltage
Via is fCV2,4/2. Increasing circuit speed increases switching frequency f proportionally, and
capacitance per unit area also increases.

Transistor capacitance varies inversely to transistor gate oxide thickness ., (Cyye = €, WL/,
where ¢, is the gate dielectric permittivity and W and L are transistor width and length).
Gate oxide thickness has been scaled down linearly with transistor length so as to limit short
channel effects and maintain gate drive strength to increase circuit speed [34]. As device dimen-
sions scale down linearly, transistor density increases quadratically and the capacitance per unit
area increases linearly. Additionally, wire capacitance has increased relative to gate capacitance,
as wires are spaced closer together with taller aspect ratios to limit wire resistance and thus to
limit corresponding wire RC delays.

If the supply voltage is kept constant, the dynamic power per unit area increases slower than
quadratically due to increasing switching frequency and increasing circuit capacitance. To
reduce dynamic power, supply voltage has been scaled down. However, this reduces the drive cur-
rent, which reduces the circuit speed. The saturation drive current Ip g, = kW (Vyq —2Vth)"/Ltox,
where V;, is the transistor threshold voltage and the exponent a is between 1.2 and 1.3 for
recent technologies [35]. To avoid reducing speed, threshold voltage has been scaled down with
supply voltage.

Static power has increased with reductions in transistor threshold voltage and gate oxide thick-
ness. The subthreshold leakage current, which flows when the transistor gate-to-source voltage is
below V;; and the transistor is nominally off, depends exponentially on V;, ( Lsubthreshola = ke Vin/nkT
where T is the temperature and #, ¢, and k are constants). As the gate oxide becomes very thin,
electrons have a nonzero probability of quantum tunneling through the thin gate oxide. While
gate tunneling current was smaller by orders of magnitudes than subthreshold leakage, it was
increasing much faster due to the reduction in gate oxide thickness [36].

Automated logic synthesis and place-and-route tools have focused primarily on dynamic
power when logic evaluates within the circuit, as static power was a minimal portion of the
total power when a circuit was active. For example, automated clock gating reduces unnecessary
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switching of logic. Managing standby static power was left for the designers to deal with by using
methods such as powering down modules that are not in use or choosing standard cell libraries
with lower leakage.

1511 LEAKAGE POWER

Standby power may be reduced by using high threshold voltage sleep transistors to connect to the
power rails [37]. In standby, these transistors are switched off to stop the subthreshold leakage
path from supply to ground rails. This technique is known as power gating. When the circuit is
active, these sleep transistors are on, and they must be sized sufficiently wide to cause only a small
drop in voltage swing, but not so wide as to consume excessive power. To support this technique,
place-and-route software must support connection to the virtual power rail provided by the sleep
transistors and clustering of cells that enter standby at the same time so that they can share a
common sleep transistor to reduce overheads.

In recent 45-28 nm process technologies, leakage can contribute up to about 40% of the
total power when the circuit is active. There is a trade-off between dynamic power and
leakage power. Reducing threshold voltage and gate oxide thickness allows the same drive
current to be achieved with narrower transistors, with correspondingly lower capacitance
and reduced dynamic power, but this increases leakage power. Increasing transistor channel
length provides an alternate way to reduce leakage at the cost of increased gate delay, with
somewhat higher gate capacitance and thus higher dynamic power. Alternate channel lengths
are cheaper as alternate threshold voltages require separate implant masks that increase
fabrication expense.

Designers now commonly use standard cell libraries with multiple threshold voltages and
multiple channel lengths, for example, a combination of six threshold voltage and channel length
alternatives: low/nominal/high V;;, with regular and +2 nm channel lengths. Low threshold
voltage and shorter channel length transistors reduce the delay of critical paths. High threshold
voltage and longer channel length transistors reduce the leakage power of gates that have slack.
EDA tools must support a choice between cells with smaller and larger leakage as appropriate for
delay requirements on the gate within the circuit context.

Significant improvements to leakage power minimization have been achieved in the last couple
of years using fast global optimization approaches such as Lagrangian relaxation. This has made
it possible to optimize a million-gate netlist in an hour [38], and significant further speedups may
be achieved by multithreading.

It is essential that tools treat leakage power on equal terms with dynamic power when trying
to minimize the total power. Preferentially optimizing leakage power or dynamic power is
detrimental to the total power consumption in active mode. Other operating corners and modes
must also be considered during power optimization, as there are also design limits imposed on
standby power consumption as not all gates can be power-gated off.

1.5.1.2 DYNAMIC POWER

Leakage power has been significantly reduced with multigated devices, such as triple-gated
FinFETs [39]. With 22-14 nm FinFET process technologies, we have seen that leakage power
contributes 10%—30% of the total power when the circuit is active, depending on switching
activity and threshold voltage choices. So, designers have increased the use of dynamic power
minimization techniques.

There has been significant development in industry and academia on register clumping and
swapping of multibit flops to reduce the clock load and clock power. Other research has focused
on optimizing the clock trees to trade-off latency, clock skew, and clock power. Clock skews in
the range of 30—50 ps can be achieved with multisource CTS and in the range of 10-30 ps with
automated clock mesh synthesis [40], providing further opportunity for designs to achieve higher
performance with trade-offs between clock skew and clock power.

Some industry designs have used fine-grained voltage islands to reduce power consumption
[41], though this is yet to be supported by EDA vendor tools due to the complicated design
methodology and limited market thus far.
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There is further opportunity to automatically optimize wire width and wire spacing in
conjunction with gate sizing/V}, assignment and buffering to optimize delay versus power
consumption. To reduce the dynamic power of high-activity wires, they can be preferentially
routed to shorten them, and wider spacing can be used to reduce their coupling capacitance to
neighbors. Downsizing a gate reduces the switching power, but in some cases, it may be preferen-
tial to upsize the gate or insert a buffer to reduce slew and short circuit power. Vendor EDA tools
still perform little optimization of wire spacing or wire width, overlooking trade-offs between
(1) increased wire capacitance and (2) reduced wire resistance and reduced RC delay. Nondefault
rules (NDRs) for wire width and spacing are typically manually provided by designers, with some
limited tool support for choosing between the available NDRs.

Techniques to reduce peak power and glitching, for both peak and average power reduc-
tions, are also of interest to designers with little automation support as yet. Glitching can be
reduced by insertion of deglitch latches or by balancing path delays, but dynamic timing analysis
is runtime expensive, so simplified fast approaches are needed. Logic could also be remapped to
better balance path delays or reduce switching activity within the logic, but remapping is quite
runtime expensive.

1.5.2 PLACEMENT AND ROUTABILITY WITH COMPLEX DESIGN RULES

Multiple patterning to fabricate smaller feature sizes has added significant design rule complex-
ity that has complicated both placement and routing. The design rules are more complex due to
interaction between features on the same layer that must be on different masks to achieve higher
resolution and due to potential misalignment of the multipatterning masks. For further details
on design rules, please see Chapter 20.

The wavelength of the lithography light source imposes a classical Rayleigh limit on the smallest
linewidth of features that can be resolved in IC fabrication, as detailed in Chapter 21, which pro-
vides a deeper discussion on multiple patterning. Resolution beyond 65 nm process technologies is
limited by the 193 nm wavelength provided by argon fluoride lasers. To scale further, either immer-
sion lithography or double patterning is needed for 45 nm devices, and both immersion lithography
and double patterning are required for technologies from 32 to 14 nm [42]. Triple patterning will
first be used for 10 nm process technology [43]. Multipatterning has additional fabrication costs for
the additional masks to expose layers requiring smaller resolutions. Higher metal layers, which are
wider, are more cheaply added without multipatterning or immersion lithography.

Other solutions for fabricating smaller features have not yet been practical for large-scale pro-
duction. Extreme ultraviolet (EUV) lithography with 13.5 nm wavelength holds the promise of
being able to print much smaller transistors at lower cost with simpler design rules [44]. However,
the introduction of EUV has been further delayed to at least 7 nm process technology due to
a variety of issues, in particular difficulty in achieving a 100 W power source to provide good
exposure throughput [45]. Recently, record throughput of 1022 wafers in 24 hours at Taiwan
Semiconductor Manufacturing Company and 110 W EUV power capability has been reported
by ASML [46]. Electron beams can be used to write small patterns but are far too slow to be
practical, except that they have been used extensively in testing fabricated ICs [47]. Double pat-
terning may be needed with EUV at 7 nm and such resolution enhancement techniques will be
required with EUV for 5 nm technology [43]. Consequently, foundries are committed to the use
of multipatterning to fabricate smaller process technologies, and they are preparing alternative
solutions such as self-aligned quadruple patterning in case EUV is not ready in time for 7 nm
process technology. The multipatterning design-rule constraints for placement and routing are
now major issues.

Since 32nm, horizontal edge-type placement restrictions [48] have been required to improve
yield and for design for manufacturability. For example, if the layout shapes of polysilicon on
adjacent cell edges will be detrimental to yield, spacing may be required to allow the insertion of
dummy poly to minimize the optical interference between the adjacent cells [49]. This results in
different horizontal edge-spacing restrictions depending on the layout of the cells.

In 10 nm process technology, we now also see vertical edge abutment restrictions. Such restric-
tions are introduced to comply with more conservative design rules, for example, to provide
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sufficient space for nearby vias to connect to cell pins or the power/ground metal stripes. Another
objective is to prevent conflict between color choices for wires within cells as adjacent wires
may not have the same coloring assignment. (In the context of multipatterning, coloring refers
to which pattern a portion of routing is assigned to.) Vertical restrictions are more complicated,
specifying distance ranges so that portions of cells may not vertically abut. Early tool support has
been provided for these vertical restrictions, but further updates are needed to placers and rout-
ers to account for these better during optimization. The Library Exchange Format (LEF) [48] also
needs to be updated to add specification of these vertical placement constraints.

In global placement, temporarily increasing the size of (bloating) the cells with an estimate of
the additional spacing needed can help account for edge-type placement restrictions and reduce
routing congestion [50,51]. Routing congestion is increased by routing blockages, routing NDRs,
and preroutes such as the power, ground, and clock grids. Detailed placement must also consider
these during placement legalization, as cell pins may be inaccessible to connect to if they are next
to or under a preroute, or due to the additional spacing needed for an NDR [51].

With increasing design rule complexity for multipatterning, patterns must be more regular
and may be restricted to unidirectional segments at each layer to improve manufacturability [52],
disallowing wrong-way routing and requiring more vias, adding to routing congestion. Where
wrong-way routing is allowed, there are different design rules with much wider spacing con-
straints between wires for the nonpreferred direction. Routers have been updated to support
these more complex design rules, and both the resistance and the capacitance of vias must also
now be considered for accurate parasitic extraction.

There are also rules to insert dummy metal fill between cells to reduce variation in dielectric
thickness, but metal fill adds to wire coupling capacitance and thus increases wire delay [53].
Metal fill adds the complication that downsizing a cell can introduce a spacing violation as a gap
may be introduced between cells with insufficient space for metal fill. Similarly, a downsized cell
may have different edge types, due to different layouts within the cell, which can introduce a
placement violation with neighboring cells if the different edge type requires wider spacing.

When performing multiple rounds of patterning (usually two or three), the shapes for each
round are identified by color. There is different wire coupling capacitance in the same metal
layer with the color choice due to misalignment error between the masks of different colors for
multipatterning [54]. Depending on the foundry and fabrication process, some EDA flows preas-
sign routing tracks a given color, whereas other design flows are colorless with the foundry color-
ing the provided GDSII layout. When wire color is not determined, as in a colorless design flow, it
can be considered in timing analysis by adding two additional minimum and maximum corners
for wire resistance and capacitance extraction [55]. The color assignment for wires within cells
affects the cell delay characteristics, so EDA tools may select different cell implementations that
differ only in the color assignment of wires within the cells, if standard cell libraries provide the
different coloring alternatives. Global and detailed routers also need to be aware of wire coloring,
either conservatively estimating capacitance and resistance for the worst-case color choices or
preferably optimizing the wire color choice based on timing criticality.

Some spacing restrictions do not need to be strict but are there to improve yield, so they may
be satisfied where opportunity permits to do so without degrading critical path delay and hence
timing yield. Today’s EDA tools strictly enforce spacing restrictions. Design groups have built
fast incremental tools to provide this capability using internal database implementations with
sparse access or scripted slower TCL implementations in vendor tools [56]. There remain further
opportunities for native EDA tool support of yield analysis and optimization during placement.

1.5.3 VARIABILITY IN PROCESS AND OPERATING CONDITIONS

Historically, it was assumed that static timing analysis at one slow corner and one fast corner
was sufficient to ensure that timing constraints were met. Worst-case circuit delay was estimated
from the slow corner for the standard cell library: This was the slow process corner, with a slow
operating corner with lower supply voltage (e.g., -10% V,4) and high temperature (e.g., 100°C).
Hold-time violations by fast timing paths and worst-case dynamic power were estimated from
the fast process corner, with a fast operating corner with higher supply voltage (e.g., +10% V,4) and
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low temperature (e.g., 0°C). The slow (fast) process corner would be for both p-type and n-type
MOSFETs due to higher (lower) threshold voltages and longer (shorter) channel lengths due to
process variability, which also reduces (increases) subthreshold leakage current. Worst-case leak-
age power can be estimated at the fast process and high-temperature corner.

In practice, a mix of slow and fast process variations and differences in spot temperatures on
a chip may lead to unforeseen failures not predicted by a single process corner. Also in 90 nm
and smaller process technologies, inverted temperature dependence of delay has added an addi-
tional slower operating corner at lower temperature and further complications for static timing
analysis [57]. Temperature inversion is due to the competing temperature dependence of drain
current with carrier mobility and threshold voltage. The impact of mobility is more significant at
higher supply voltage, and the impact of threshold voltage is more significant at lower supply volt-
age. Mobility decreases with increasing temperature that reduces drain current slowing devices.
Threshold voltage decreases with increasing temperature, making the circuit faster. Due to these
competing effects, the path delay may no longer monotonically increase with temperature and
may instead first decrease and then increase with temperature [57].

Both optimization and timing sign-off with a combination of many corners and modes have
become common today. Additionally, the majority of chips fabricated may be substantially faster
and have lower average power under normal circuit conditions. The design costs are significant
for this overly conservative analysis.

Although some circuit elements are under tighter control in today’s processes, the variation of
other elements has increased. For example, a small reduction in transistor threshold voltage or
channel length can cause a large increase in leakage. The layout of a logic cell’s wires and transis-
tors has become more complicated. Optical interference changes the resulting layout. Phase-shift
lithography attempts to correct this. Varying etch rates have a greater impact on narrower wires.

Certain cell layouts are more likely to reduce yield, for example, due to increased gate delay or
even a complete failure such as a disconnected wire. Ideally, cell layouts with lower yield would
not be used, but these cells may be of higher speed. A small decrease in yield may be acceptable to
meet delay requirements. To support yield trade-offs, foundries must share some yield informa-
tion with customers along with corresponding price points.

Yield and variability data can be annotated to standard cell libraries, enabling software to
perform statistical analysis of timing, power, and yield. This requires a detailed breakdown of
process variability into systematic (e.g., spatially correlated) and random components. With this
information, tools can estimate the yield of chips that will satisfy delay and power constraints.
This is not straightforward, as timing paths are statistically correlated, and variability is also
spatially correlated. However, these correlations can be accounted for in a conservative fashion
that is still less conservative than worst-case corner analysis.

Variation in process and operating conditions as they pertain to static timing analysis
are examined in Chapter 6. Chapter 22 discusses in detail process variation and design for
manufacturability.

1.5.4 CIRCUIT RELIABILITY AND AGING

Transient glitches in a circuit’s operation can be caused by cross-coupling noise as well as
alpha-particle and neutron bombardment. There are also circuit aging issues that are of increas-
ing concern for reliability, including electromigration, hot-carrier injection, and negative-bias
threshold instability. These are discussed in more detail in Chapter 13.

Cross-coupling noise has become more significant with higher circuit frequencies and greater
coupling capacitance between wires. Wire cross-coupling capacitance has increased with wires
spaced closer together and with higher aspect ratios, which have been used to reduce wire RC
delays as dimensions scale down. Wires can be laid out to reduce cross-coupling noise (e.g., by
twizzling or shielding with ground wires). There are tools for analyzing cross-coupling noise, and
some support for half shielding or full shielding of wires by routing them with one or both sides
next to a power or ground net at the cost of additional routing congestion and detours.

As gate capacitance decreases with device dimensions and supply voltages are reduced, smaller
amounts of charge are stored and are more easily disrupted by an alpha-particle or neutron strike.
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Soft error rates due to alpha particles increase by a large factor as device dimensions are scaled
down [58]. Soft error rates can be reduced by using silicon on insulator technology and other
manufacturing methods or by using latches that are more tolerant to transient pulses [58].

For fault tolerance to glitches, circuits can have error detection and correction or additional redun-
dancy. Tool support for logic synthesis and mapping to such circuits will simplify a designer’s task.

Electromigration can cause open or short circuits [59,60] preventing correct circuit operation,
which is becoming more problematic as current densities increase with narrower wires. Designers
now need greater EDA tool support for the analysis of electromigration [61] and automated
solutions, such as widening wires with high switching activity and additional spacing around clock
cells. In a 10 nm technology, clock cells may also require decoupling capacitors inserted next to
them to limit voltage drop.

1.6 CONCLUSION

In this chapter, we looked at how the RTL-to-GDSII design flow has changed over time and will
continue to evolve. As depicted in Figure 1.5, we foresee continuing integration of more analysis
functions into the integrated environment to cope with design for robustness and design for
power. We provided an overview of a typical EDA flow and its steps and outlined the motivation
for further EDA tool development.

There is high demand from IC design companies for faster turnaround to iterate through the
EDA flow. Designs continue to increase rapidly in number of transistors, integrating more com-
ponents, with smaller 10 and 7 nm process technologies actively being researched and developed,
with 3D ICs on the horizon. More complex design rules for these newer technologies drive major
EDA tool development in place and route. To achieve higher performance and lower power, the
correlation must be improved between interrelated flow steps from RTL estimation and synthesis
through to postroute optimization. This necessitates further tool integration, with analysis across
more process corners and more operating modes and choices as to what are appropriate levels of
abstraction to achieve better accuracy earlier in the design flow. All of these increase the compu-
tational demand, which motivates increasing the parallelism of EDA tools with support for larger
sets of data, but still within relatively tight memory constraints. Much research and development
continues within the EDA industry and academia to meet these difficult design challenges, as the
EDA market continues to grow, albeit maturing with further consolidation within the industry.

The following chapters describe the individual RTL-to-GDSII flow steps in more detail, exam-
ining the algorithms and data structures used in each flow step. The additional infrastructure for
design databases, cell libraries, and process technology is also discussed in the later chapters.
We hope these encourage readers to innovate further with a deeper understanding of EDA.
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2.1 INTRODUCTION

The roots of logic synthesis can be traced to the treatment of logic by George Boole (1815-
1865), in what is now termed Boolean algebra. Shannon’s [1] discovery in 1938 showed that
two-valued Boolean algebra can describe the operation of switching circuits. In the early
days, logic design involved manipulating the truth table representations as Karnaugh maps
[2,3]. The Karnaugh map-based minimization of logic is guided by a set of rules on how
entries in the maps can be combined. A human designer can only work with Karnaugh maps
containing four to six variables. The first step toward the automation of logic minimization
was the introduction of the Quine—McCluskey [4,5] procedure that could be implemented
on a computer. This exact minimization technique presented the notion of prime impli-
cants and minimum cost covers that would become the cornerstone of two-level minimiza-
tion. Another area of early research was in state minimization and encoding of finite-state
machines (FSMs) [6-8], a task that was the bane of designers. The applications for logic
synthesis lay primarily in digital computer design. Hence, IBM and Bell Laboratories played
a pivotal role in the early automation of logic synthesis. The evolution from discrete logic
components to programmable logic arrays (PLAs) hastened the need for efficient two-level
minimization, since minimizing terms in a two-level representation reduces the area of the
corresponding PLA. MINI [9] was an early two-level minimizer based on heuristics. Espresso
[10] is an improvement over MINT; it uses the unate recursive paradigm (URP) as a central
theme for many optimization steps.

However, two-level logic circuits are of limited importance in very large-scale integrated
(VLSI) design; most designs use multiple levels of logic. An early system that was used to design
multilevel circuits was logic synthesis system (LSS) [11] from IBM. It used local transformations
to simplify logic. Work on LSS and the Yorktown Silicon Compiler [12] spurred rapid research
progress in logic synthesis in the 1980s. Several universities contributed by making their research
available to the public—most notably, MIS [13] from the University of California, Berkeley, and
BOLD [14] from the University of Colorado, Boulder. Within a decade, the technology migrated
to commercial logic synthesis products offered by electronic design automation companies.

The last two decades have seen tremendous progress in the field of logic synthesis. It has pro-
vided a dramatic productivity boost to digital circuit design, enabling teams to fully utilize the
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large number of transistors made available by decreasing feature sizes. This chapter provides a
brief survey of the rapid advances made in this area. A more comprehensive treatment can be
found in books by De Micheli [15], Devadas et al. [16], Hassoun and Sasao [17], and Hachtel and
Somenzi [18].

2.2 BEHAVIORAL AND REGISTER-TRANSFER-LEVEL SYNTHESIS

To increase designer productivity, it is crucial to be able to specify and optimize designs at higher
levels of abstraction. There has been a significant amount of research on the synthesis of circuits
that are behaviorally specified using a hardware description language (HDL). The goal of behav-
ioral synthesis is to transform a behavioral HDL specification into a register-transfer-level (RTL)
specification, which can be used as input to a gate-level logic synthesis flow. A general overview
of behavioral synthesis can be found in [19-23].

Behavioral optimization decisions are guided by cost functions that are based on the number
of hardware resources and states required. These cost functions provide a coarse estimate of the
combinational and sequential circuitry required to implement the design.

In a behavioral optimization tool, a front-end parser translates the behavioral HDL descrip-
tion of the design into a control and data flow graph (CDFQG) [23]. Sometimes, separate control
flow graphs (CFGs) and data flow graphs are created. This CDFG is subjected to high-level trans-
formations, many of which are based on compiler optimizations [24], such as constant propaga-
tion, loop unrolling, dead code elimination, common subexpression elimination, code motion
[25], and data flow analysis. Some hardware-specific optimizations performed in this step include
making hardware-specific transformations (shifting to perform multiplication by a power of 2),
minimizing the number of logic levels to achieve speedup, and increasing parallelism. The tasks
of scheduling and resource allocation and sharing generate the FSM and the datapath of the RTL
description of the design.

Scheduling [26] assigns operations to points in time, while allocation assigns each operation or
variable to a hardware resource. Scheduling identifies places in the CFG where states begin and
end, yielding the FSM for the design. Scheduling usually precedes allocation, although they can
be intertwined. Among the scheduling algorithms in use are as soon as possible and, its counter-
part, as late as possible. Other algorithms include force-directed scheduling [27], list scheduling
[28,29], path-based scheduling [30], and symbolic scheduling [31].

Given a schedule, the allocation operation optimizes the amount of hardware required to
implement the design. Allocation consists of three parts: functional unit allocation, register
allocation, and bus allocation. The goal during allocation is to share hardware units maximally.
Allocation for low power has been studied in [32], while [33] reports joint scheduling and alloca-
tion for low power. Behavioral synthesis for low power has been studied in [34—-36].

Behavioral synthesis typically ignores the size and delay of the required control logic.
The CDFG representation is significantly different from the representation used in the RTL
network. As a result, a behavioral network graph (BNG) is utilized in [37]. The BNG is an
RTL network, with the ability to represent unscheduled behavioral descriptions. Since wiring
delays are becoming increasingly important in VLSI design, early estimation of such delays is
very helpful. The fast bus delay predictor for high-level synthesis [38] fulfills this need. In [39],
the notion of “don’t cares” has been exploited in behavioral optimization. Much research has
been conducted in the area of high-level synthesis for testability. For details, we refer the inter-
ested reader to a survey paper [40] on this topic. Examples of behavioral synthesis systems are
found in [41,42]. The Olympus [43] system combines behavioral and logic syntheses.

2.3 TWO-LEVEL MINIMIZATION

Two-level logic minimization is arguably the workhorse of logic synthesis. Its early and most direct
application included logic minimization for PLA-based designs. Since then, it has been extensively
used in performing node optimization in multilevel technology-independent logic optimization.
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2.3 Two-Level Minimization

Two-level logic minimization is an instance of the classical unate covering problem (UCP)
[44—-48]. For a logic function with # inputs and 1 output, the covering matrix has O(2")
rows (corresponding to minterms) and O(3"/x) columns (corresponding to primes of the function).
In a typical solution to the UCP, we iterate the steps of row and column dominance and extrac-
tion of row singletons (essential primes) until the cover matrix cannot be further reduced
(referred to as the “cyclic core”). At this point, techniques such as branch and bound are used to
solve the cyclic core. Early solutions include the Quine—McCluskey approach [4,5]. The maxi-
mum independent set of primes can be used to bound the solution cost. In the early 1990s, two
new exact techniques based on the computation of signature cubes were developed. In one of
these methods [49], the size of the covering matrix is reduced (both rows and columns) yielding
more efficient solutions. The other method [50] is based on the use of reduced ordered binary
decision diagrams (ROBDDs) [51]. Characteristic ROBDDs of all primes and minterms are cre-
ated, and dominance steps are formulated in terms of ROBDD operations. Similarly, in [52], the
authors implicitly create the cyclic core, with a significantly lower computational cost than the
previous approaches. In [44—46], improved bounding and pruning approaches are introduced
and implemented in SCHERZO. The approach of Goldberg et al. [47,48] is based on performing
branch and bound with a goal of proving that a given subspace cannot yield a better solution
(negative thinking) as opposed to trying to find a better solution via branching (positive think-
ing). In [53], the authors provide a technique that combines the use of zero-suppressed binary
decision diagrams (BDDs) [54] (to represent the data) and Lagrangian relaxation to solve the
integer formulation of the UCP, yielding significant improvements.

Unate covering can be an expensive (though exact) approach to solving the two-level mini-
mization problem. Several heuristic approaches have been developed as well. MINI [9] was one
of the early heuristic two-level minimizers. ESPRESSO [10] improved on MINI, utilizing the
URP at the core of the operations. In this heuristic approach, primes are never enumerated.
Rather, operations are performed on a subset of primes. In ESPRESSO, the operations of Reduce
(which reduces cubes in an ordered manner, such that the new set of cubes is still a cover),
Expand (which expands cubes into primes, removing cubes that are covered by some other
cubes in the cover), and Irredundant (which removes redundant cubes in the cover) are iter-
ated until no further improvement is possible. These algorithms are based on cofactoring with
respect to the most binate variable in the cover until unate leaves are obtained. The operation is
efficiently performed on unate leaves, and then the results are recursively merged upward until
the result of the operation on the original cover is obtained. When the reduce, expand, and
irredundant iteration encounters a local minimum, a LASTGASP algorithm is called, which
attempts to add more primes in a selective manner, in an attempt to escape the local mini-
mum. After running LASTGASP, we again iterate on reduce, expand, and irredundant until no
improvement is possible. ESPRESSO requires the computation of the complement of a func-
tion, which can become unmanageable for functions such as the Achilles heel function. In [55],
a reduced offset computation is proposed to avoid this potential cube explosion.

ESPRESSO vyields close to optimum results, with significant speedup compared to exact tech-
niques. To bridge further the gap between ESPRESSO and exact approaches, iterative applica-
tions of ESPRESSO [56] can be used. In this technique, after an ESPRESSO iteration, cubes are
selectively extracted from the onset and treated as don’t-care cubes. Iterating ESPRESSO in this
manner has been shown to result in bridging the (albeit small) optimality gap between ESPRESSO
and exact techniques, with a modest runtime penalty.

ESPRESSO-MV [57] is the generalization of ESPRESSO to multivalued minimization.
Two-level logic minimization has applications in minimizing Internet Protocol (IP) routing
tables [58,59]. Hardware implementations of ESPRESSO tailored to this application [60,61] have
reported significant speedups.

Boolean relations are a generalization of incompletely specified functions (ISFs), in that they
are one-to-many multioutput Boolean mappings. Minimizing such relations involves finding the
best two-level logic function that is compatible with the relation. The minimization of Boolean
relations can be cast as a binate covering problem (BCP). In [62], a Quine—McCluskey-like
procedure is provided to find an optimum two-level representation for a Boolean relation. The
solution is based on a branch-and-bound covering method, applied to the BCP. Implicit tech-
niques to solve the BCP are provided in [63], along with a comparison with explicit BCP solvers.
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In [64], a branch-and-bound BCP algorithm is provided, with the input specified as a conjunction
of several ROBDDs. Heuristic minimization of multivalued relations, using the two-level logic
minimization paradigm of Brayton et al. [10], is presented in [65]. This multivalued decision
diagram [66] (MDD)-based approach is implemented in a tool called GYOCRO [65].

2.4 MULTILEVEL LOGIC MINIMIZATION
241 TECHNOLOGY-INDEPENDENT OPTIMIZATION

Typical practical implementations of a logic function utilize a multilevel network of logic
elements. A standard cell-based logic netlist, for example, utilizes such a network. A multilevel
logic network can be abstracted as a directed acyclic graph (DAG), with edges representing wires
and nodes representing memory elements or combinational logic primitives. Typically, we
consider each node to have a single output, although this can be generalized as well. The combi-
national logic of a node can be represented in several ways; however, a two-level cover is the most
commonly utilized method.

From an RTL description of a design, we can construct a corresponding multilevel Boolean
network. This network is optimized using several technology-independent techniques before
technology-dependent optimizations are performed. The typical cost function during technology-
independent optimizations is total literal* count of the factored representation of the logic func-
tion (which correlates quite well with circuit area).

Many technology-independent optimizations can be performed on a multilevel Boolean net-
work. We present several such optimizations, with a brief discussion of the salient techniques
for each.

2411 DIVISION

A function g is a divisor for fif f = gh+r, where r is a remainder function and 4 a quotient
function. Note that # and r may not be unique. If r =0, we refer to the process as “factoring.”
Division can be of two types: Boolean [13,67,68] and algebraic [13,69,70]. In general, Boolean
division explores all possible functions that divide f. It is, therefore, computationally expensive.
Algebraic division is less flexible but extremely fast since no Boolean operations are performed.
Division can be performed recursively on g, /1, and r to obtain an initial multilevel network.

24.1.2 KERNELING

One important decision in division is the choice of divisor g Kernels [69] are used for this
purpose. Kernels are cube-freet primary divisors.! Kernels can be computed efficiently using
algebraic operations. The use of two-cube kernels [71] results in significant speedup in kerneling,
with a minimal penalty in quality over the full-fledged kernel extraction.

The division techniques explained earlier can be utilized to optimize a multilevel network in
several ways:

B If there exists a node g that can be divided into another node fin the network, we
perform substitution of g into f.

B By extracting common subexpressions among one or more nodes, we may be able to
reimplement a network with fewer literals. We find kernels of several nodes, choose a
best kernel, and create a new node with the logic function of the kernel. Now, we substi-
tute the new node into all remaining nodes in the design.

B We may eliminate a node by collapsing it into its fanouts to get out of a local minimum
and enable further multilevel optimizations.

* A literal is a variable or its complement.
* A cube is a conjunction of literals. An expression is cube-free if no single cube can divide it evenly.
* Primary divisors are expressions obtained by algebraically dividing f with some cube c.
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2.4.2 MULTILEVEL DON'T CARES

The use of multilevel don't cares can be very effective in reducing the literal count of a network.
Multilevel don’t-care-based optimization is typically invoked at the end of the aforementioned
structural optimizations. Multilevel don't cares are first computed as functions of primary input
variables as well as internal node variables. Then, by performing an (usually ROBDD-based)
image computation, we find the image of the multilevel don’t cares of a node in terms of the fanin
variables of that node. This allows us to perform two-level minimization on the node using the
newly computed don't cares, thereby reducing the literal count.

Early multilevel don’t-care computation methods [72] were restricted to networks of NOR
gates. The corresponding don’t-care computation technique was referred to as the “transduction”
method. Two sets of permissible functions*—the maximum set of permissible functions (MSPFs)
and the compatible set of permissible functions (CSPFs)—were defined. The downside of both is
that they are defined to be global functions. Further, MSPFs are not compatible in the sense that
if a function at some node j is changed, it may require the recomputation of the MSPFs of other
nodes in the network. This limitation is removed for CSPFs.

More general multilevel don’t-care techniques [73,74] were developed shortly after the
transduction method. For these methods, the multilevel don’t cares were computed as
a disjunction of external don’t cares (XDCs), satisfiability don’t cares (SDCs), and observability
don’t cares (ODCs). XDCs for each output are typically specified as global functions, while
SDC:s for the circuit encode local logical conditions that cannot occur in the network. The network

SDC is Zi(% ® fi), where f; is the logic function of node ¥, of the network. ODCs are computed
as Hk(ﬁzk / 0y;), where 0z, /0y; is the Boolean difference of primary output z, with respect to y;

and encodes the minterms in the global space for which z, is sensitive to changes in y,.

The disjunction of the aforementioned don’t cares is then imaged back to the local fanins of
the node y,, and the cover f; is then minimized with respect to these local don't cares. Two-level
minimization is used for this purpose.

If a node is minimized with respect to these don’t cares (which include the ODC), it results
in changes to the ODCs of other nodes in the design. This may be unimportant when the nodes
are minimized one after another. However, if the optimization context is one in which the don’t
cares of all the nodes are utilized simultaneously, this does not guarantee correct results. For
such applications, compatible output don’t cares (CODCs) [75] can be used. After CODCs are
computed for any design, a node can be optimized against its CODCs without the need to recom-
pute CODC:s of other nodes.

The don’t-care computations outlined earlier rely on an image computation, which requires
the computation of global ROBDDs of the circuit nodes. This limits the effectiveness of the
don’t-care computation. Recently, approximate CODC [76] and ODC [77] computations have been
introduced. It was shown that by using a window of small topological depth in the forward and
reverse directions from the node under consideration, a robust and effective don’t-care computa-
tion can be devised. In [76], a depth of k = 4 resulted in a 30 x speedup and a 25 x reduction in memory
requirements, while 80% of the literal reduction of the traditional CODC technique was obtained.

Another recent development in this area is the introduction of the sets of pairs of functions to
be distinguished (SPFDs) [78]. SPFDs were first introduced in the context of Field Programmable
Gate Array (FPGA) optimization. Their applicability to general logic network optimization was
identified in [79]. The SPFD of a node is a set of ISFs.” As a result, the SPFD of a node encapsulates
more information than the don't cares of that node. SPFDs to be distinguished can be represented
as bipartite graphs. The SPFD of a node encodes the set of pairs of points in the primary input
space, which must be distinguished or assigned different functional values. These pairs are redis-
tributed among the fanins of the node, resulting in new SPFDs at the fanins of the node. Coloring
these graphs results in new implementations of the fanin functions. In [80], an ROBDD-based
implementation of an SPFD-based network optimization package was demonstrated. Results
for wire replacement and fanin minimization were provided, with about 10% improvement over
CODC-based optimizations. It was also shown that the flexibility offered by SPFDs contains that

* An ISF partitions the set of points in B, into onset, offset, and don’t care set points.
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of traditional don’t-care-based optimizations. Subsequently, SPFD-based optimizations have been
demonstrated in other contexts as well, including rewiring [81], power, and delay minimization for
FPGA synthesis [82], wire removal for PLA networks using multivalued SPFDs [83], and topologi-
cally constrained logic synthesis [84]. Sequential extensions to SPFDs were reported in [85].

2.4.3 TECHNOLOGY-DEPENDENT OPTIMIZATION

The multilevel technology-independent logic optimizations discussed so far in Section 2.4 have
utilized a simple cost function, such as literal count. Technology-dependent optimization trans-
forms an optimized technology-independent circuit into a network of gates in a given technol-
ogy. The simple cost estimates are replaced by more concrete, implementation-driven estimates
during and after technology mapping. The circuit structure created by mapping is crucial for the
final quality of optimization. Technology mapping and several local optimizations available after
technology mapping are described in this section.

2431 TECHNOLOGY MAPPING

Mapping is constrained by factors such as the available gates (logic functions) in the technology
library, the drive sizes for each gate, and the delay, power, and area characteristics of each gate. Further
details on a technology library are given in Section 2.5.1. The initial work on technology mapping
relied on rule-based heuristic transforms [86,87]. These were later replaced by rigorous algorithmic
approaches. The process of technology mapping is conceptually best described by three generic steps.
In the first step, called “subject graph construction,” an optimized technology-independent circuit
is decomposed into a DAG, consisting of a set of primitive gates (such as nand gates and inverters).
There are many logically equivalent decompositions for a given circuit, and an appropriate choice
is critical for good quality of mapping. The logic gates in the library are also decomposed into the
same set of primitive gates. These are known as “patterns.” The second step, called “pattern match-
ing,” generates matches of logic gates in the library to each primitive gate in the subject graph. The
third step, called “covering,” constructs a tiling of the subject graph with a selection of a subset of
patterns generated in the previous step. The first constraint of covering is that each primitive gate
of the subject graph is contained in at least one selected pattern. The second constraint requires the
inputs to a selected pattern to be outputs of another selected pattern. The objective of covering is to
find a minimum cost covering. The cost function can be area, delay, power, or a combination of these.

Matching can be performed by a variety of methods: structural matching using graph isomor-
phism or Boolean matching using BDDs. In the case of structural matching for trees, efficient
string matching techniques can be used [88]. Boolean matching [89,90] is more powerful as it
can detect matches independent of the local decomposition of the subject graph, under arbitrary
input/output phase assignments and input permutations (of the library gate).* To avoid the com-
binatorial explosion due to permutations and phases, signatures [91,92] have been proposed.

The techniques utilized for the covering step depend on whether we are operating on a DAG
or a tree. DAG covering can be formulated as a BCP [93]. It is not viable for very large circuits.
Keutzer [94] describes an approach in which the subject graph is split into a set of fanout-free trees.
Each tree is mapped optimally (for area). Thus, DAG covering is approximated with a sequence
of tree mapping steps. Tree covering is solved using dynamic programming, which leads to opti-
mum coverings [95] under certain conditions on the cost function. Minimum area tree-based
technology mapping is solvable in time polynomial in the number of nodes in the subject graph
and in the number of patterns in the library. Rudell [93] extends technology mapping to include
timing using a binning technique. Touati [96] considers optimal delay mapping using a linear
delay model. When the delay models are complex, the covering process requires an area—delay
cost curve to be stored at each node in the subject graph. This can result in a high memory con-
sumption. Roy et al. [97] present a compression algorithm that yields a solution bounded from the
optimal solution by a user-specified threshold. Minimum area mapping under delay constraints

* This is often termed as NPN equivalence.
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is more difficult and there is no known optimal algorithm [98]. The main disadvantages with
applying tree covering are twofold. First, decomposing DAGs into trees leads to too many small
trees, thereby losing any optimality with respect to the original DAG. The unpredictability of load
estimation at the multifanout points, which are cut in order to convert DAGs into trees, causes
errors in delay estimation. DAG covering is feasible if the delay models are modified to be load
independent [99]. Stok et al. [100] and Kukimoto et al. [101] present DAG covering approaches
under gain-based and load-independent delay models. Since the quality of technology mapping
is very sensitive to the initial decomposition of the subject graph, Lehman et al. [102] propose
decomposition within the covering step. A simple way to improve the quality of circuits con-
structed by tree covering is to use the inverter-pair heuristic [16].

To illustrate tree-based technology mapping for minimum area, consider a library of 10
combinational logic gates decomposed into patterns consisting of two-input nand gates and
inverters as shown in Figure 2.1. Each gate may have multiple decompositions (only one is shown
for each gate). Consider a tree of logic and its associated decomposition into a subject graph
using two-input nand gates and inverters as shown in Figure 2.2. Observe that two inverters are
added on a wire to enable the detection of more patterns as suggested by the aforementioned
inverter-pair heuristic. A subset of matches of library patterns on the subject graph is indicated
in Figure 2.3. Note that multiple matches can occur at the output of a gate. Technology map-
ping selects the best match of a pattern at a gate from a set of candidate matches using
dynamic programming. In this approach, the least area cost of implementing a pattern at a gate
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FIGURE 2.1 Decomposition of library gates into patterns.
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FIGURE 2.3 Subset of pattern matches on the subject graph.

is computed from the inputs toward the output of the tree. The selection of a pattern implies
that the inputs to the pattern must be selected as well in the final implementation. Hence, the
least area cost of selecting a pattern can be computed as the sum of the area of the pattern and
the least area costs of implementing the signals at the inputs to the pattern. Since the solution is
constructed from inputs toward the output, the latter quantities are readily available. Figure 2.4
shows two options of selecting a gate to implement the logic at y. Selecting a nor2 gate (area of 3)
requires the inputs to the pattern to be implemented with area costs of 3 and 12, respectively,
yielding a total area cost of 18. Selecting an aoi21 gate (area of three) requires the inputs to the
pattern to be implemented with area costs of 2 and 12, respectively, yielding a total area cost of 17.

Although area and delay have been traditional objective functions in mapping, power is now a
central concern as well. The tree-covering approach for low power under a delay constraint mim-
ics the minimum area covering under a delay constraint. Tiwari et al. [103] and Tsui et al. [104]
discuss technology mapping with a low power focus.

24.3.2 LOGICAL EFFORT-BASED OPTIMIZATIONS

The delay of a circuit can be expressed using the notions of logical and electrical effort [105].
The delay of a gate can be expressed as

E Area =18

'
’

i Area =17

FIGURE 2.4 Dynamic programming during technology mapping for area.
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Here, 7 is a process-dependent parameter, while p is the parasitic delay of the gate (which arises
due to the source/drain capacitances of the gate output). The parameter g is the logical effort of
the gate, and it characterizes the ability of the gate to drive an output current. We assume that
an inverter has a logical effort of unity. The logical effort of other gates depends on their topology
and describes how much worse these gates are (in comparison with an inverter) in producing
an output current, assuming that the input capacitances are identical to that of an inverter. The
parameter / is the electrical effort (or gain) of the gate and is the ratio of the output capacitance
to the input capacitance of a pin of the gate. Note that p and g are independent of the size of the
gate, while / is sizing dependent.

In [105], the authors minimize delay along a circuit path by assigning an equal delay budget
for each topological level along the circuit path. The resulting solution minimizes delay, with a
solution that is not necessarily area minimal. In [106], the authors solve the fanout optimization
problem to minimize the input capacitance of the source gate, subject to sink timing constraints,
without considering area. In [107], the authors address the problem of minimizing buffer area
subject to driver capacitance constraints. In [108], the idea of logical effort is applied to technol-
ogy mapping, addressing the problem of load distribution at multifanout points. An analogous
notion of interconnect effort is introduced in [109,110], combining the tasks of logic sizing and
buffer insertion. Logical effort can also be applied to the design of regular structures such as
adders [111,112].

24.3.3 OTHER TECHNOLOGY-DEPENDENT OPTIMIZATIONS

After technology mapping, a set of technology-dependent optimizations is carried out. Gate
sizing, gate replication, and de Morgan transformations make local changes to the circuit.
The impact of fanout optimization is more widespread. Critical path restructuring can make
significant nonlocal changes. These approaches have the following common strategy. The first
phase identifies portions of the circuit that need to be modified for possible benefit. The second
phase selects a subset of these portions for change, modifies the circuit, and accepts the change
if it results in an improvement. These steps rely on accurate incremental timing analysis to make
this decision (see Section 2.5.2.1).

The early work on sizing focused on transistors and used a simple delay model (such as RC
trees). This makes the objective function convex and easy to optimize [113-115]. Nonlinear
programming techniques have also been used [116-118]. However in the ASIC context, logic
optimization can only size gates and not individual transistors. Hence, the next wave of research
focused on this aspect [119,120]. Also, the simple delay models cease to be accurate in modern
technologies. Coudert et al. [121] provide an excellent survey on gate sizing.

Fanout optimization seeks to distribute optimally a signal to various input pins. This is critical
for gates driving a large number of fanouts. Berman et al. [122], Hoover et al. [123], and Singh and
Sangiovanni-Vincentelli [124] describe solutions to the fanout problem. Fanout optimization for
libraries rich in buffer sizes is addressed by Kung [106]. Using the logical effort model, Rezvani
et al. [107] discuss a fanout optimization tool for area and delay.

Bartlett et al. [125] were the first to focus on minimizing the area of a circuit under a delay
constraint in the SOCRATES system. Singh et al. [126] describe a strategy for identifying regions
for resynthesis using a weighted min-cut heuristic. The weights are determined based on the
potential for speedup and an estimate of the area penalty incurred during optimization. Fishburn
[127] describes a heuristic for speeding up combinational logic. Further refinements have been
made by Yoshikawa et al. [128].

2.5 ENABLING TECHNOLOGIES FOR LOGIC SYNTHESIS

Some technologies have played a key role in the rapid advances in logic synthesis. We discuss
some of the enabling research in this section.
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2.5.1 LIBRARY MODELING

A key reason for the commercial success of logic synthesis is the availability of technology
library models for various semiconductor foundries. Two popular commercial formats for library
description are Liberty from Synopsys [129] and Advanced Library Format [130]. The library data
can be categorized into two distinct sections:

1. Technology data: This includes information such as operating conditions (power supply
and temperature) and wire load models. A wire load model is a statistical estimate of the
capacitances observed on typical nets as a function of the number of pins and the size
of the design (in terms of area). It is used as a proxy for net capacitance during synthesis
when the physical data required for accurate estimation of net capacitance are unavail-
able (see discussion in Section 2.7 for more information).

2. Library cell data: Each cell in the library is accurately characterized for timing, power,
and area. The delay is a function of circuit parameters (such as the input slew, output
load, threshold voltage, and critical dimension) and operating conditions (such as local
power and ground levels, temperature). For synthesis purposes, the delay is typically
modeled as a nonlinear function of input slew and output load. It is specified as a
2D table. The move to smaller geometries is forcing the use of polynomials to capture
the dependence on many parameters. The table-based approach does not scale in terms
of memory usage as the number of parameters increases. The timing information also
includes constraints such as setup and hold constraints. The power data include internal
switching power and leakage power.

An issue of debate in the last decade was the nature and number of different logic functions
in a standard cell library [131,132]. We currently have libraries with hundreds of logic functions,
with multiple sizes for each function. More recent approaches have modeled gate delays using the
concept of logical effort [105,133]. This approach assumes that the area of a gate is a continuous
function of its load. Thus, a gate can be sized to keep the delay constant. This was first proposed
in [99], and its use in technology mapping was explored in [102]. For this methodology to work,
each gate in the library needs to have sufficiently many sizes so that the error in discretization in
the final step is minimal [134,135].

2.5.2 TIMING ANALYSIS

A good logic optimization system requires access to an efficient timing analysis engine. In this
section, we briefly address some of the work in this area.

2.521 INCREMENTAL STATIC TIMING ANALYSIS

Static timing analysis is covered in detail in Chapter 6. A key requirement for efficient timing opti-
mization in a logic synthesis system is to have a fast incremental static timing analyzer coupled
with the netlist representation. Technology-dependent optimizations (Section 2.4.3) operate on
mapped circuits. Typically, local changes are made to the circuit. After each change, the design is
queried to check if the timing has improved. Invoking static timing analysis on the whole design
is a waste of computational resources if the impact of the changes is local. For example, when a
gate is sized up, all gates in the transitive fanout cone of the gate and the immediate fanin gates
are candidates for a change in arrival times. The actual update in timing is triggered by a query for
timing information and is also dictated by the location of the query. This is known as level limit-
ing [137]. However, not all arrival times may change as other paths can dominate the arrival. This
is known as dominance limiting The objective of incremental static timing analysis is to perform
the minimal computation required to update the timing information that is invalidated by logic
optimization changes. Timing information includes net capacitances, arrival times, required
times, slack, transition times, and pin-to-pin delays. One of the published works on incremental
static timing analysis in the context of netlist changes during synthesis is [136].
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2.5.2.2 FALSE PATHS

False paths are covered in detail in Chapter 6. Our interest is in logic optimization performed in
the context of handling false paths. Keutzer et al. [138] demonstrate that redundancy is not nec-
essary to reduce delay. They provide an algorithm (called the KMS algorithm after the authors)
that derives an equivalent irredundant circuit with no increase in delay. Their approach converts
the well-known carry-skip adder into a novel irredundant design. Saldanha et al. [139] study the
relationship of circuit structure to redundancy and delay. Kukimoto and Brayton [140] extend the
notion of false paths to safe replaceability under all input arrival considerations.

2.6 SEQUENTIAL OPTIMIZATION

Historically, the first logic synthesis approaches were combinational in nature. Then, sequential
techniques were developed to manipulate and optimize single FSMs. Following this, sequential
techniques to manipulate a hierarchy of FSMs were developed. FSMs are similar to finite autom-
ata [141], except that FSMs produce output signals, while automata produce no outputs and simply
accept or reject input sequences. Moore machines [142] are FSMs whose output functions depend
only on the present state, while Mealy machines [142] are FSMs whose outputs depend on the
present state as well as the applied input.

A combinational circuit implements a Boolean function, which depends only on the inputs
applied to the circuit. Acyclic circuits are necessarily combinational while cyclic circuits may be
combinational [144—147]. However, such circuits are not commonly used in practice.

The rest of this section deals with synchronous sequential circuits. Such circuits typically
implement state elements using clocked latches or flip-flops. Asynchronous sequential circuits,
in contrast, are not clocked. Synchronous sequential behavior can be specified in the form of a
netlist consisting of memory elements and combinational logic, as state transition graphs (STGs)
or as transition relations. Transition relations are typically represented implicitly using ROBDDs.
To avoid memory explosion, the ROBDDs of a transition relation can be represented in a par-
titioned manner [148]. Often, the FSM behavior is expressed nondeterministically by allowing
transitions to different states (with different outputs) from a given input state and input com-
bination. Nondeterminism allows for compact representations of the FSM behavior. Also, the
transition and output functions may be incompletely specified. In such a case, any behavior is
considered to be allowed. Of course, any implementation must be deterministic and completely
specified; however, the relaxation of these restrictions during optimization allows us to express a
multitude of allowable behaviors in a compact fashion.

2.6.1 STATE MINIMIZATION

Given an STG, with symbolic states and transitions, we perform state minimization to combine
equivalent states (states that produce identical output sequences, given identical input sequences).
This is cast as a fixed-point computation. Typically, for completely specified machines, at step ,
we construct a set of sets of equivalent states that form a partition of the original state space and
refine the set by separating the states that can be distinguished by an additional step. This is con-
tinued until convergence, starting with an initial set that consists of all states in the state space.
For completely specified machines, the problem has polynomial complexity.

For incompletely specified machines, we compute the set of prime compatibles, and for
those machines, the problem is Non-deterministic Polinomial (NP)-hard [148]. One of the early
approaches for deterministic incompletely specified FSMs was given in [149]. In [150], it was
shown that a minimum state cover for an incompletely specified machine could be found using
prime compatibles. In [151], an efficient minimization method was introduced, using the notion
of compatibles. In [152], exact as well as heuristic minimization results were reported and imple-
mented in a tool called STAMINA. An implicit (using ROBDDs) computation of the compatibles
was reported in [153], allowing the technique to handle extremely large numbers of compatibles.
In [154], the authors address the minimization of nondeterministic FSMs based on the notion of
generalized compatibles, which are computed implicitly.
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One of the early works in the minimization of a network of FSMs based on input don’t-care
sequences was by Kim and Newborn [155], which computed the input don’t-care sequences for
the driven machine. Later, Rho and Somenzi [156] showed that for an incompletely specified
machine, there exists an analogous machine, which has to be minimized for the optimization
of two interacting completely specified machines. In [157], an implicit procedure to compute all
input don’t-care sequences in a general FSM network was introduced. The work of Watanabe and
Brayton [158] computes the maximum set of permissible behaviors for any FSM in a network of
FSMs. The resulting nondeterministic machine is referred to as the “E-machine.” State minimiza-
tion of this machine is reported in [159].

In [160], the problem of minimizing a network of interacting FSMs in the context of lan-
guage containment-based formal property verification is addressed. The problem of synthesizing
low-power FSMs is addressed in [161], while don’t-care-based minimization of extended FSMs is
reported in [162].

The decomposition of an FSM is addressed in [163], where the objective is power reduction.
A Kernighan—Lin-style [164] partitioning procedure is utilized. In [165], the goal of the FSM
decomposition is I/O minimization, and it is achieved using a Fiduccia—Mattheyses-based [166]
partitioning approach.

2.6.2 STATE ASSIGNMENT

Given a minimized STG, we perform state assignment to assign binary codes to each symbolic
state. The choice of binary codes has a great impact on the area and power of the final synthesized
design. State assignment can be viewed as an encoding problem, using either input encoding,
output encoding, or input—output encoding.

The encoding problem is split into two steps. In the first step, a multivalued representation is
minimized, along with a set of constraints on the codes used for the symbolic states. The next
step involves finding an encoding that satisfies these constraints. The encoded representation
has the same size as that of the minimized multivalued representation. Encoding can be per-
formed for either two- or multilevel implementations of the FSM. In two-level implementations,
we attempt to minimize the number of cubes, while in multilevel implementations, we attempt
to minimize the number of literals in the design.

The input constraints are face-embedding constraints—they specify that any symbol can be
assigned to a single face of the Boolean n cube, without that face being shared by other symbols.
Output constraints are dominance* or disjunctive’ constraints. In [167], it was shown that finding
a minimum-length code satisfying input constraints is NP-hard [148].

In [168,169], input-encoding-based state assignment for minimum two-level realizations is
reported. A solution producing multilevel implementations is given in [170]. The output-encoding
procedure of Devadas and Newton [171] generates disjunctive constraints with nested conjunc-
tive terms. The NOVA algorithm of Villa and Sangiovanni-Vincentelli [172] exploits dominance
constraints. In [167,173], both input-encoding and output-encoding constraints are handled
simultaneously. Multilevel encoding is reported in [174—176]. State assignment with the goal of
minimizing the size of the ROBDD of the FSM transition relation is reported in [177]. Parallel
state assignment is explored in [178], while state assignment for low power is studied in [179-183].
State assignment for testability is studied in [183].

2.6.3 RETIMING

Once a sequential netlist has been generated, further optimization can be achieved by retiming,
which involves moving registers across logic elements, in a manner such that the sequential behav-
ior of the circuit is maintained. The goal of retiming may be to minimize clock period (min-period
retiming), or the number of registers (min-area retiming), or to minimize the number of registers

* Dominance constraints express the condition in which the code for any symbol covers that of another.
t Disjunctive constraints express the condition in which the code of any symbol is the bit-wise OR of other symbols.
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subject to a maximum clock period constraint (constrained min-area retiming). Retiming may be
coupled with resynthesis as well. In all retiming approaches, the circuit is represented as a graph,
with edges representing wires and vertices representing gates. The weight of a vertex corresponds
to the gate delay, and the weight of an edge corresponds to the number of registers on that edge.

Early retiming efforts [184] were based on mixed integer linear programming approaches. Later,
relaxation-based [185] approaches were reported. In general, retimed circuits require a new initial
state to be computed [186]. Resettable circuits [187] may be utilized to implement retimed designs
so that an initializing sequence, which can be used to bring the machine into a known state after
power-up, can be easily computed. In [188], techniques to minimize the effort of finding new
equivalent initial states after retiming are integrated in the retiming approach. In [189], a min-area
retiming methodology, which guarantees the existence of equivalent initial states, is described.

Retiming for level-sensitive designs was studied in [190-193]. Efficient implementations of
min-period and constrained min-area retiming were studied in [194], while Maheshwari and
Sapatnekar [195] demonstrated efficient min-area retiming.

In [196], the approach is to combine retiming and resynthesis by moving registers to the circuit
boundary, then optimizing the combinational logic and moving registers back into the design.
Peripheral retiming for pipelined logic [197] involves retiming such that internal edges have zero
weight, although peripheral edges may have negative weights. Once the retiming is legalized
(all weights are made greater than or equal to zero), we obtain a functionally equivalent circuit
(equivalence is exhibited after an initializing sequence is applied). Another resynthesis approach
[198] utilizes the retiming-induced register equivalence to optimize logic.

Retiming has been studied in the FPGA context [199,200] as well as in the context of testability
preservation and enhancement [201,202]. Retiming for low power is described in [203]. Recent
retiming approaches account for DSM delay constraints [204], interconnect and gate delay [205],
and clock distribution [206,207]. Retiming is used to guide state assignment in [208].

2.7 PHYSICAL SYNTHESIS

With the advance of technology in the late 1990s, it became evident that physical effects could
not be ignored during logic synthesis. We briefly summarize some of the technology issues that
led to this crisis. Decreasing transistor sizes translate to smaller and faster gates. Scaling down
gate sizes implies that capacitances of input pins of gates decrease. To incorporate more logic, the
routing resources cannot be scaled in a commensurate manner. Consequently, the number of
metal interconnect layers increased from three to a much larger number (8-10 is common in cur-
rent technologies). In order to lower the resistance of interconnect, the cross-sectional area has
to be increased. If the width of the wire is increased, then routability suffers as fewer wires can be
packed in a given area. Consequently, the height of metal interconnect needs to be increased. This
raises the lateral capacitance of an interconnect line to neighboring interconnect lines. Until the
mid-1990s, synthesis and physical design (placement and routing) had been very weakly coupled.
A simple notion of net weights to indicate timing criticality was sufficient for placement. The
concept of net list sign-off served as a viable business model among the foundries, design teams,
and tool vendors. The delay estimate of a gate during synthesis relies on an accurate estimate of
the capacitance on a net driven by the gate. The net capacitance is the sum of the pin capacitance
and the wire capacitance (the loading from the interconnect used to connect electrically all the
pins on the net). Synthesis uses wire load models (Section 2.5.1) as a proxy for wire capacitances.
As long as the postrouted wire capacitance does not account for a significant fraction of the total
net capacitance, the inaccuracies in delay calculation during synthesis do not cause a problem.
At 0.25 mm, wire capacitances began to dominate pin capacitances. Consequently, technology-
dependent optimizations were less effective without a means of correctly estimating wire capaci-
tances. This, in turn, required access to the physical placement of cells and pins. The placement
algorithms had relatively weak timing models and analysis capabilities. Recall that static timing
analysis was primarily developed in the context of synthesis. These factors led to nonconvergence
of a design through the steps of synthesis, placement, and routing in the design flow. Moreover,
effects such as signal integrity issues, which were ignored in previous technology generations,
could no longer be ignored due to the strong lateral coupling capacitances.
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Today, physical synthesis is a key step that has replaced placement and late timing correction in
synthesis. The early work in this area focused on incorporating physical effects during logic opti-
mization [209-212]. Keutzer et al. [213], in an invited paper, discussed the technical and business
issues of this discontinuity. The second-generation efforts looked toward a closer integration of
synthesis and placement [214—216]. The third-generation research [217,218] enabled commercial
products to enter the market. Gosti et al. [219] improved the companion placement model proposed
earlier [209] for better area and delay performance. The concept of logical effort [133] enables an
alternative view of deferring technology-dependent optimizations until some placement informa-
tion is available. Physical synthesis uses two sets of distinct optimizations to achieve convergence
of the final design. Logic synthesis during placement is able to change the netlist structure under-
going placement. This enables operations such as effective buffering of long wires and sizing up of
weak gates. Placement will penalize cell congestion, cell overlaps, and nets with long wire lengths.
Working in tandem, the two techniques produce much better results than either one alone.

Carragher et al. [220] discuss layout-driven logic optimization strategies. Logic restructuring
[221] and technology mapping [222] with physical information have also been studied. Murgai
[225] investigates area recovery using layout-driven bufter optimization. Kudva et al. [224] discuss
metrics for measuring routability in the technology-independent optimization phase when the
structure of the netlist is defined. Saxena and Halpin [225] discuss incorporating repeaters within
the placement formulation.

2.8 MULTIVALUED LOGIC SYNTHESIS

Multivalued logic synthesis has received much attention in recent times. Although research on
multivalued circuit [226-228] as well as memory [55] implementations has been reported, such
circuits are hard to design and fabricate, as evidenced by the significantly greater attention given
to binary-valued circuits.

The role of multivalued techniques is arguably during the early stages of synthesis. After
multivalued logic optimizations have been performed, the design can be encoded into binary. At
this point, the traditional binary-valued logic optimization flow can be applied.

Early multivalued techniques included the generalization of ESPRESSO to multiple values
[57]. The reduced offset computation, which is used in ESPRESSO, also has a multivalued coun-
terpart [230]. ROBDDs have also been generalized to multiple values [66]. Many other binary-
valued logic optimization techniques have been generalized to multiple values, such as algebraic
division [231], factorization [232], generalized cofactoring [233], don't cares [234], redundancy
removal [236], wire removal [237], and satisfiability (SAT) [238]. In [239], nondeterministic mul-
tivalued network simplification is addressed. A nondeterministic multivalued relation is used to
express the maximum flexibility of a node. In [240], a technique to reduce multivalued algebraic
operations into binary is reported, yielding significant speedups in operations on multivalued
networks. Multivalued, multilevel synthesis techniques are discussed in [241,242]. MVSIS [242]
implements many of the earlier techniques, in addition to encoding.

Static [241] and dynamic [242] MDD variable reordering have been implemented, in addi-
tion to dynamic reencoding [243]. MDD-based synthesis [244] and functional decomposition
[245] approaches have also been reported. The D-algorithm for ATPG has been generalized to
multiple values [246]. In [247], the authors describe fault simulation for sequential multivalued
networks.

2.9 SUMMARY

In this chapter, we have explored some of the key state-of-the-art logic synthesis techniques. Our
focus has been on mainstream synthesis approaches, based on the CMOS standard cell design
paradigm.

We covered high-level, two-level, and multilevel synthesis as well as sequential synthesis in
this chapter. Related enabling technologies were covered, along with recent approaches that com-
bine physical design and logic synthesis.
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2.10 Update for the Second Edition

Starting with early logic synthesis techniques, there has been a steady push toward an increased
level of abstraction. At the same time, technology considerations have forced logic synthesis to
become physically aware. In the future, we will see several challenges. Improved multivalued
logic synthesis techniques will enable more effective algorithmic approaches to high-level syn-
thesis. At the same time, the quality of the netlists produced by logic synthesis (from a physical
design perspective) will continue to be important. The capacity and speed of optimization will
continue to be hurdles for flat multimillion gate synthesis.

A change in the underlying implementation style, such as a diversion from CMOS, can be a
driver for new research in logic synthesis approaches. Currently, there is much excitement about
logic synthesis for quantum computing.

2.10 UPDATE FOR THE SECOND EDITION

In the past decade, the field of logic synthesis has faced several new challenges. It remains clear
that as technology nodes advance, logic synthesis optimizations have a major impact on physical
design feasibility. Newer technology nodes (22, 16/14, and 10 nm) have increased the need for
logic synthesis to accurately estimate new physical effects during optimization.

Power has grown as an important concern alongside delay and area. Both leakage and dynamic
power optimizations have been researched extensively and are performed to varying degrees of
accuracy by commercial synthesis tools.

The industry has also evolved to require that all logic synthesis optimizations provided by
commercial synthesis tools can be formally verified by independent tools to ensure functional
correctness. This new requirement has triggered research interests in both formal verification
and logic synthesis, especially for sequential optimizations.

As design sizes continue to increase by more than an order of magnitude in the last decade,
logic synthesis capacity improvement has become an active area of research and development
leveraging parallelization and multicore CPUs.

2.10.1 PHYSICAL EFFECTS

Physical synthesis continues to be a critical step in the design flow and has been actively enhanced
for new technology nodes. Interconnect routing estimation remains the main challenge to prop-
erly model interconnect delay and congestion during logic synthesis. First, as interconnect delay
continues to become more significant with new technology nodes, delay estimation has been
enhanced. More accurate CMOS cell and interconnect delay calculation replaced nonlinear delay
models with current source models [248,249]. Second, interconnect routing estimation during
logic synthesis remains challenging due to inaccuracies of early placement, blockage constraints
affecting final routing, metal layer assignment, and VIA estimation. That being said, Steiner-
based routing estimation has been enhanced extensively [250,251] and continues to be the main
technique used for routing estimation in logic synthesis.

Physical synthesis has focused on technology-dependent optimizations like remapping, sizing,
and buffering linked closely with placement, legalization, and routing [252-254]. At newer tech-
nology nodes, the different metal layers in the stack have very different resistive properties per unit
length. For a given distance, the interconnect delay varies significantly depending on the metal
layer used (higher metal layers providing smaller delay over longer wire lengths). Physical synthe-
sis has been enhanced to determine which delay-critical net connections should be assigned to
a higher metal layer—also known as layer promotion [255]. More recent work [256] has explored
different congestion models and metrics for each optimization in the physical synthesis flow. As
technology nodes have advanced, nondefault rules (NDRs) have recently been added to physical
synthesis offerings to address electromigration constraints and reduce parasitic variations by
allowing wider wire widths and spacings. Estimating the impacts of NDRs is another growing
challenge.

Area and delay optimized logic structures from traditional logic synthesis often exhibit poor
physical properties vis-a-vis routability and pin accessibility. Poor pin accessibility at lower
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geometries can contribute to significant congestion. Various techniques have been proposed to
make logic synthesis generate logic structures that simplify placement and routing, especially for
datapath and mux/select logic [257-259]. Moreover, logic synthesis faces the added challenge to
modeling physical effects even earlier in the flow, at the technology-independent stage, when the
design has not yet been mapped.

2.10.2 BOOLEAN OPTIMIZATION AND TECHNOLOGY MAPPING

As designs have increased in complexity and size and are reusing more IP cores, redundant and
duplicated logic is becoming more common. To address this, logic optimization has borrowed
from ATPG and advanced formal verification techniques including SAT [260], structural hash-
ing, simulation, and recent hybrid techniques known as SAT sweeping that leverages an under-
lying and-inverter graph as the foundation for the various logic transformations. Collectively,
these new optimization techniques enable reductions in the final gate count and circuit depths
of the synthesized circuits. Similarly, Mishchenko introduced flexibility computation techniques
in Boolean networks [261], and Chatterjee described improvements in technology mapping [262]
introducing new Boolean matching algorithms and leveraging advances in sequential verification.
Along with retiming and clock gating, sequential optimizations like sequential merging,
sequential duplication, and sequential phase inversion have become commonly available in com-
mercial logic synthesis tools and have initiated advanced research in verification [263,264].

2.10.3 LOW POWER

Clock gating has been the most commonly used design technique to reduce dynamic power.
Clock gating elements can be inferred either (1) manually by designers based on design knowl-
edge or (2) automatically by logic synthesis tools. Automatic clock gating has been initially per-
formed by analyzing the next-state function to identify conditions under which the clock can
be gated [265,266]. Recently, clock gating has been extended to identify conditions under which
the clock does not need to toggle using a combination of simulation and SAT techniques [267].
Sequential clock gating extends clock gating further based on sequential analysis [268—270], cre-
ating new challenges for formal sequential verification [271]. In addition, power-aware technology
mapping approaches have been researched along with efficient switching-activity computation
[272]. Register-transfer-level analysis and optimization like operand isolation or logic gating have
been effective to reduce dynamic power in high-toggling logic like datapaths [273]. Standard cell
libraries have been enhanced to include multibit flops (e.g., 2 bit or 4 bit) with a shared clock pin,
providing good dynamic power savings compared to equivalent single-bit elements. Mapping
to these cells with physical awareness reduces power without degrading timing and congestion.

On the other hand, leakage power has been reduced by providing a broader spectrum of
library cells with delay/area/leakage trade-offs at various voltage thresholds (Vts) [274—277].
Optimization during logic synthesis can utilize low-Vt cells (with high leakage power and fast
delay) on timing critical paths and high-Vt cells in nontiming critical paths (with low leakage
power and slow delay).

Finally, commercial logic synthesis tools are now supporting multiple-supply voltage design
technique with automatic isolation and level shifter cell insertion. The industry has also con-
verged on a power intent design specification language standard [278].

2.10.4 CAPACITY AND SPEED

Capacity requirements in terms of runtime and memory usage have increased significantly due
to an industry trend of designing larger and more complex SoCs leveraging IP reuse. Distributed
parallelization based on coarse-grain partitioning has been proposed [279]. Parallelization based
on multithreading is best for low-level parallelizable algorithms. Catanzaro discussed the chal-
lenges in parallelizing current graph-based algorithms used in logic synthesis and introduced
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a parallel logic optimization framework based on low-level partitioning [280]. Over the years,
distributed synthesis techniques combined with low-level multithreaded algorithms have incre-
mentally delivered tangible speedups.

2.10.5 ECO SYNTHESIS

In the IC industry, it is common practice to make engineering change orders (ECOs) to fix func-
tional design errors and timing closure errors or even make small functional changes on an
already implemented design. As design size and complexity have increased significantly, it
became more difficult to manually implement ECOs. Therefore, ECO synthesis has been recently
introduced and delivers automatic techniques to implement ECO later in the design cycle on an
existing pre- or postmask layout [281]. ECO synthesis will first determine the minimum func-
tional difference introduced by an ECO change. Extensive research has been done to formally
identify a minimum set of logic gates between two implementations using satisfiability-based
proof and interpolation techniques [282]. This functional logic difference (patch logic) will be
physically optimized and appropriately mapped onto available cells. Specific ECO-aware logic
and physical synthesis techniques have been developed to ensure an optimal implementation
[283-285].

2.10.6 CONCLUSION OF THE UPDATE

In this update, we have summarized key technology advances in the area of logic synthesis over
the last decade. We fully expect that the quality of netlists produced by logic synthesis will
remain critical to ensure convergence in the physical design flow. As new technology require-
ments are identified [286,287], logic synthesis will continue to face new challenges that drive
exciting research and create opportunities for innovation in commercial tools.
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The complexity and speed of today’s VLSI designs entail a level of power consumption that, if
not addressed, causes an unbearable problem of heat dissipation. The operation of these circuits
is only possible due to aggressive techniques for power reduction at different levels of design
abstraction. The trends of mobile devices and the Internet of Things, on the other hand, drive the
need for energy-efficient circuits and the requirement to maximize battery life. To meet these
challenges, sophisticated design methodologies and algorithms for electronic design automation
(EDA) have been developed.

One of the key features that led to the success of CMOS technology was its intrinsic low power
consumption. It allowed circuit designers and EDA tools to concentrate on maximizing circuit
performance and minimizing circuit area. Another interesting feature of CMOS technology is
its nice scaling properties, which permitted a steady decrease in the feature size, allowing for
numerous and exceptionally complex systems on a single chip, working at high clock frequencies.

Power consumption concerns came into play with the appearance of the first portable
electronic systems in the late 1980s. In this market, battery lifetime is a decisive factor for the
commercial success of the product. It also became apparent that the increasing integration of
active elements per die area would lead to prohibitively large energy consumption of an inte-
grated circuit. High power consumption is undesirable for economic and environmental reasons
and also leads to high heat dissipation. In order to keep such a circuit working at acceptable tem-
perature levels, expensive heat removal systems may be required.

In addition to the full-chip power consumption, and perhaps even more importantly, exces-
sive heat is often dissipated at localized areas in the circuit, the so-called hot spots. This problem
can be mitigated by selectively turning off unused sections of the circuit when such conditions
are detected. The term dark silicon has been used to describe this situation where many available
computational elements in an integrated circuit cannot be used at the same time [1]. These fac-
tors have contributed to the rise of power consumption as a major design parameter on par with
performance and die size and a limitation of the continuing scaling of CMOS technology.

To respond to this challenge, intensive research has been invested in the past two decades in
developing EDA tools for power optimization. Initial efforts focused on circuit- and logic-level
tools, because at these levels EDA tools were more mature and malleable. Today, a large fraction
of EDA research targets system- or architectural-level power optimization (Chapters 7 and 13 of
Electronic Design Automation for IC System Design, Verification, and Testing, respectively), which
promise a higher overall impact given the breadth of their application. Together with optimiza-
tion tools, efficient techniques for power estimation are required, both as an absolute indicator
that the circuits’ consumption meets some target value and as a relative indicator of the power
merits of different alternatives during design space exploration.

This chapter provides an overview of key CAD techniques proposed for low power design and
synthesis. We start in Section 3.1 by describing the issues and methods for power estimation at dif-
ferent levels of abstraction, thus defining the targets for the tools presented in the following sections.
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In Sections 3.2 and 3.3, we review power optimization techniques at the circuit and logic levels of
abstraction, respectively.

3.1 POWER ANALYSIS

Given the importance of power consumption in circuit design, EDA tools are required to
provide power estimates for a circuit. When evaluating different designs, these estimates are
needed to help identify the most power-efficient alternative. Since power estimates may be
required for multiple alternatives, accuracy is sometimes sacrificed for tool response speed
when the relative fidelity of estimates can be preserved. Second, an accurate power consump-
tion estimate is required before fabrication to guarantee that the circuit meets the allocated
power budget.

Obtaining a power estimate is significantly more complex than circuit area and delay estimates,
because power depends not only on the circuit topology but also on the activity of the signals.

Typically, design exploration is performed at each level of abstraction, motivating power
estimation tools at different levels. The higher the abstraction level, the less information there
is about the actual circuit implementation, implying less assurance about the power estimate
accuracy.

In this section, we first discuss the components of power consumption in CMOS circuits. We
then discuss how each of these components is estimated at the different design abstraction levels.

3.1.1 POWER COMPONENTS IN CMOS CIRCUITS

The power consumption of digital CMOS circuits is generally divided into three components [2]:

1. Dynamic power (P,,)
2. Short-circuit power (Pg,,,,)
3. Static power (P,,,,;,)

The total power consumption is given by the sum of these components:

(31) P = den + Piort + Prtasic

The dynamic power component, P,,, is related to the charging and discharging of the load
capacitance at the gate output, C,,,. This is a parasitic capacitance that can be lumped at the
output of the gate. Today, this component is still the dominant source of power consumption in
a CMOS gate.

As an illustrative example, consider the inverter circuit depicted in Figure 3.1 (to form a
generic CMOS gate, the bottom transistor, nMOS, can be replaced by a network of nMOS
transistors, and the top transistor, pMOS, by a complementary network of pMOS transistors).
When the input goes low, the nMOS transistor is cut off and the pMOS transistor conducts.
This creates a direct path between the voltage supply and C,,,. Current I, flows from the sup-
ply to charge C,,, up to the voltage level V,,. The amount of charge drawn from the supply is
C,..V s and the energy drawn from the supply equals C,,, V2. The energy actually stored in the
capacitor, E,, is only half of this, E, = %4C,,,V,2. The other half is dissipated in the resistance
represented by the pMOS transistor. During the subsequent low-to-high input transition, the
pMOS transistor is cut off and the nMOS transistor conducts. This connects the capacitor C,,,,
to the ground, leading to the flow of current /,. C,,, discharges and its stored energy, E,, is dis-
sipated in the resistance represented by the nMOS transistor. Therefore, an amount of energy
equal to E, is dissipated every time the output makes a transition. Given N gate transitions

within time 7, its dynamic power consumption during that time period is given by

(3.2) Py, = E.xNIT =% CpuVii’ %
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3.1 Power Analysis

FIGURE 3.1 lllustration of the dynamic and short-circuit power components.

In the case of synchronous circuits, an estimate, o, of the average number of transitions the gate
makes per clock cycle, T, = 1/f.;, can be used to compute average dynamic power

(33) den = Ec xXax fclk = %Cﬂulvddzafclk

C,, is the sum of the three components C,,, C,,,., and C,,,,. Of these, C,, represents the internal
capacitance of the gate. This includes the diffusion capacitance of the drain regions connected
to the output. C,,,, represents the sum of gate capacitances of the transistors this logic gate is
driving. C,,,, is the parasitic capacitance of the wiring used to interconnect the gates, including
the capacitance between the wire and the substrate, the capacitance between neighboring wires,
and the capacitance due to the fringe effect of electric fields. The term aC,,, is generally called the
switched capacitance, which measures the amount of capacitance that is charged or discharged
in one clock cycle.

The short-circuit power component, P,,,.,, is also related to the switching activity of the gate.
During the transition of the input signal from one voltage level to the other, there is a period of
time when both the pMOS and the nMOS transistors are on, thus creating a path from V,, to
ground. Thus, each time a gate switches, some amount of energy is consumed by the current that
flows through both transistors during this period, indicated as [;,,,, in Figure 3.1. The short-circuit
power is determined by the time the input voltage V;, remains between V7, and V,,,~V';,, where
Vp, and V7, are the threshold voltages of the nMOS and the pMOS transistors, respectively.
Careful design to minimize low-slope-input ramps, namely, through the appropriate sizing of
the transistors, can limit this component to a small fraction of total power; hence, it is gener-
ally considered only a second-order effect. Given an estimate of the average amount of charge,
Qe that is carried by the short-circuit current per output transition, the short-circuit power is
obtained by

(3.4) Piore = QuoreVaaaf

The static power component, P, ., is due to leakage currents in the MOS transistors. As the
name indicates, this component is not related to the circuit activity and exists as long as the
circuit is powered. The source and drain regions of a MOS transistor (MOSFET) can form
reverse-biased parasitic diodes with the substrate. There is leakage current associated with
these diodes. This current is very small and is usually negligible compared to dynamic power
consumption. Another type of leakage current occurs due to the diffusion of carriers between
the source and drain even when the MOSFET is in the cutoff region, that is, when the mag-
nitude of the gate-source voltage, Vi, is below the threshold voltage, V. In this region, the
MOSFET behaves like a bipolar transistor and the subthreshold current is exponentially
dependent on V V. With the reduction of transistor size, leakage current tends to increase
for each new technology node, driving up the relative weight of static power consumption. This
problem has been mitigated through the introduction of high-x dielectric materials and new
gate geometry architectures [3].
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Another situation that can lead to static power dissipation in CMOS is when a degraded
voltage level (e.g., the high output level of an nMOS pass transistor) is applied to the inputs of
a CMOS gate. A degraded voltage level may leave both the nMOS and pMOS transistors in a
conducting state, leading to continuous flow of short-circuit current. This again is undesirable
and should be avoided in practice.

This condition is true for pure CMOS design styles. In certain specialized circuits, namely, for
performance reasons, alternative design styles may be used. Some design styles produce a
current when the output is constant at one voltage level, thus contributing to the increase in static
power consumption. One example is the domino design style, where a precharged node needs to
be recharged on every clock cycle if the output of the gate happens to be the opposite of the
precharged value. Another example is the pseudo-nMOS logic family, where the pMOS network
of a CMOS gate is replaced by a single pMOS transistor that always conducts. This logic style
exhibits a constant current flowing whenever the output is at logic 0, that is, when there is a direct
path to ground through the nMOS network.

3.1.2 ANALYSIS AT THE CIRCUIT LEVEL

Power estimates at the circuit level are generally obtained using a circuit-level simulator, such as
SPICE [4]. Given a user-specified representative sequence of input values, the simulator solves the
circuit equations to compute voltage and current waveforms at all nodes in the electrical circuit.
By averaging the current values drawn from the source, /,,,, the simulator can output the average
power consumed by the circuit, P = [,,,V,, (if multiple power sources are used, the total average
power will be the sum of the power drawn from all power sources).

At this level, complex models for the circuit devices can be used. These models permit the
accurate computation of the three components of power—dynamic, short-circuit, and static
power. Since the circuit is described at the transistor level, correct estimates can be computed
not only for CMOS but also for any logic design style and even analog modules. After placement
and routing of the circuit, simulation can handle back-annotated circuit descriptions, that is, with
realistic interconnect capacitive and resistive values. The power estimates thus obtained can be
very close to the power consumption of the actual fabricated circuit.

The problem is that such detailed simulation requires the solution of complex systems of
equations and is only practical for small circuits. Another limitation is that the input sequences
must necessarily be very short since simulation is time consuming; hence, the resulting power
estimates may poorly reflect the real statistics of the inputs. For these reasons, full-fledged
circuit-level power estimation is typically only performed for the accurate characterization of
small-circuit modules. To apply circuit-level simulation to larger designs, one can resort to very
simple models for the active devices. Naturally, this simplification implies accuracy loss. On the
other hand, massively parallel computers extend the applicability of these methods to even larger
designs [5].

Switch-level simulation is a limiting case, where transistor models are simply reduced to
switches, which can be either opened or closed, with some associated parasitic resistive and
capacitive values. This simplified model allows for the estimation of significantly larger circuit
modules under much longer input sequences. Switch-level simulation can still model with fair
accuracy the dynamic and short-circuit components of power, but this is no longer true for leak-
age power. At early technology nodes, designers were willing to ignore this power component
since it accounted for a negligible fraction of total power, but now its relative importance is
increasing. Leakage power estimation must then be performed independently using specifically
tailored tools. Many different approaches have been proposed, some of which are presented in
the next section.

Among intermediate-complexity solutions, PrimeTime PX, an add-on to Synopsys’ static
timing analysis tool [6], offers power estimates with accuracy close to SPICE. This tool employs
table lookup of current models for given transistor sizes and uses circuit partitioning to solve
the circuit equations independently on each partition. Although some error is introduced by
not accounting for interactions between different partitions, this technique greatly simplifies the
problem to be solved, allowing for fast circuit-level estimates of large designs.
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3.1.3 STATIC POWER ESTIMATION

Static power analysis is typically performed using the subthreshold model to estimate leakage
per unit micron, which is then extrapolated to estimate leakage over the entire chip. Typically,
the stacking factor (leakage reduction from stacking of devices) is a first-order component of this
extension and serves to modify the total effective width of devices under analysis [7]. Analysis can
be viewed as the modification of this total width by the stacking factor.

Most analytical works on leakage have used the BSIM2 subthreshold current model [8]:

(3.5) Ly=Ae ™ (l—e VTH]

where
Ve Vs and Vi, are the gate-source, drain-source, and source-bulk voltages, respectively
V' is the zero-bias threshold voltage
Vi is the thermal voltage (k7/g)
vy’ is the linearized body-effect coefficient
n is the drain-induced barrier lowering (DIBL) coefficient

A= HOCox (W/Leﬂ)vﬁHeLg

The BSIM2 leakage model incorporates all the leakage behavior that we are presently concerned
with. In summary, it accounts for the exponential increase in leakage with reduction in threshold
voltage and gate-source voltage. It also accounts for the temperature dependence of leakage.

Calculating leakage current by applying Equation 3.5 to every single transistor in the chip can
be very time consuming. To overcome this barrier, empirical models for dealing with leakage at
a higher level of abstraction have been studied [9,10]. For example, a simple empirical model is as
follows [10]:

W,
(36) Ilmk = Iuﬁ” ot Xt
X
where
I,z is the leakage current per micron of a single transistor measured from actual silicon at a

given temperature

W,,, is the total transistor width (sum of all N and P devices)

X, is an empirical stacking factor based on the observation that transistor stacks leak less than
single devices

X, is the temperature factor and is used to scale [ ; to the appropriate junction temperature of
interest

The I, value is typically specified at room temperature (therefore the need for a temperature
factor to translate to the temperature of interest).

The other major component of static power is gate leakage. Gate leakage effectively becomes
a first-order effect only when the gate oxide is thin enough such that direct quantum tunneling
through the oxide becomes a significant quantity. The amount of gate leakage current is directly
proportional to transistor width, and thus, the main effort for gate leakage estimation is to
estimate the total transistor width, W, , similar to what is required for subthreshold current.
The exact value of gate leakage depends on the gate-to-source and drain-to-source voltages, Vg
and V), and these depend on gate input values. State-based weighting of the transistor width can
therefore be used for more accurate gate leakage estimation. However, this entails the additional
effort of estimating the state probabilities for each gate [11].
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At present, V7 is high enough such that subthreshold current is dominated by the dynamic
component of the total active current. On the other hand, subthreshold current dominates the
total standby current when compared to gate and well leakage components. As oxide thickness
continued to scale down, it was feared that gate leakage would become the dominant source of
leakage. However, the introduction of new technologies like metal gates and 3D FinFETSs has
decelerated the trend toward thinner oxides, and therefore, subthreshold leakage will continue to
dominate gate leakage for at least a couple of more technology nodes.

3.1.4 LOGICLEVEL POWER ESTIMATION

A key observation from Section 3.1.1 that facilitates power estimation at the logic level is that, if
the input of the gate rises fast enough, the energy consumed by each output transition does not
depend on the resistive characteristics of the transistors and is simply a function of the capacitive
load, C,,, the gate is driving, E. = %»C,,V, > Given parasitic gate and wire capacitance models
that allow the computation of C,,, ; for each gate i in a gate-level description of the circuit, power
estimation at the logic level reduces to computing the number of transitions that each gate makes
in a given period of time, that is, the switching activity of the gate. This corresponds to either
parameter N or «, and we need to only apply Equation 3.2 or 3.3, respectively, to obtain power.

Naturally, this estimate refers only to the dynamic power component. For total power
consumption, we must take leakage power into account, meaning that the methods described in
the previous section must complement the logic-level estimate. In many cases, power estimates
at the logic level serve as indicators for guiding logic-level power optimization techniques, which
typically target the dynamic power reduction, and hence, only an estimate for this component
is required. There are two classes of techniques for the switching activity computation, namely,
simulation-based and probabilistic analyses (also known as dynamic and static techniques,
respectively).

3.14.1 SIMULATION-BASED TECHNIQUES

In simulation-based switching activity estimation, highly optimized logic simulators are used,
allowing for fast simulation of a large number of input vectors. This approach raises two main
issues: the number of input vectors to simulate and the delay model to use for the logic gates.

The simplest approach to model the gate delay is to assume zero delay for all the gates and
wires, meaning that all transitions in the circuit occur at the same time instant. Hence, each gate
makes at most one transition per input vector. In reality, logic gates have nonzero transport delay,
which may lead to different arrival times of transitions at the inputs of a logic gate due to different
signal propagation paths. As a consequence, the output of the gate may switch multiple times in
response to a single input vector. An illustrative example is shown in Figure 3.2.

Consider that initially signal x is set to 1 and signal y is set to O, implying that both signals
w and z are set to 1. If y makes a transition to 1, then z will first respond to this transition by
switching to 0. However, at about the same time, w switches to 0, thus causing z to switch
back to 1.

This spurious activity can make for a significant fraction of the overall switching activity,
which in the case of circuits with a high degree of reconvergent signals, such as multipliers, may
be more than 50% [12]. The modeling of gate delays in logic-level power estimation is, thus, of cru-
cial significance. For an accurate switching activity estimate, the simulation must use a general
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FIGURE 3.2 Example of a logic circuit with glitching and spatial correlation.
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delay model where gate delays are retrieved from a precharacterized library of gates. Process
variation introduces another level of complexity, motivating a statistical analysis for delay, and
consequently of the spurious activity [13].

The second issue is determining the number of input vectors to simulate. If the objective is
to obtain a power estimate of a logic circuit under a user-specified, potentially long, sequence of
input vectors, then the switching activity can be easily obtained through logic simulation. When
only input statistics are given, a sequence of input vectors needs to be generated. One option is
to generate a sequence of input vectors that approximates the given input statistics and simulate
until the average power converges, that is, until this value stays within a margin & during the last
n input vectors, where € and # are user-defined parameters.

An alternative is to compute beforehand the number of input vectors required for a given
allowed percentage error € and confidence level 0. Under a basic assumption that the power con-
sumed by a circuit over a period of time 7 has a normal distribution, the approach described
in [14] uses the central limit theorem to determine the number of input vectors that must be
simulated:

where
N is the number of input vectors
p and s are the measured average and standard deviation of the power
Zg, i obtained from the normal distribution

In practice, for typical combinational circuits and reasonable error and confidence levels, the
number of input vectors needed to obtain the overall average switching activity is typically very
small (thousands) even for complex logic circuits. However, in many situations, accurate aver-
age switching activity for each node in the circuit is required. A high level of accuracy for low-
switching nodes may require a prohibitively large number of input vectors. The designer may
need to relax the accuracy for these nodes, based on the argument that these are the nodes that
have less impact on the dynamic power consumption of the circuit.

Still, today’s highly parallel architectures facilitate fast simulation of a large number of input
vectors, thus improving the accuracy of this type of Monte Carlo—based estimation methods [15].

3.14.2 PROBABILISTIC TECHNIQUES

The idea behind probabilistic techniques is to propagate directly the input statistics to obtain
the switching probability of each node in the circuit. This approach is potentially very efficient,
as only a single pass through the circuit is needed. However, it requires a new simulation engine
with a set of rules for propagating the signal statistics. For example, the probability that the out-
put of an AND gate evaluates to 1 is associated with the intersection of the conditions that set
each of its inputs to 1. If the inputs are independent, then this is just the multiplication of the
probabilities that each input evaluates to 1. Similar rules can be derived for any logic gate and
for different statistics, namely, transition probabilities. Although all of these rules are simple,
there is a new set of complex issues to be solved. One of them is the delay model, as mentioned
earlier. Under a general delay model, each gate may switch at different time instants in response
to a single input change. Thus, we need to compute switching probabilities for each of these time
instants. Assuming the transport delays to be A, and A, for the gates in the circuit of Figure 3.2
means that signal z will have some probability of making a transition at instant A, and some
other probability of making a transition at instant A, + A,. Naturally, the total switching activity
of signal z will be the sum of these two probabilities.

Another issue is spatial correlation. When two logic signals are analyzed together, they can only
be assumed to be independent if they do not have any common input signal in their support. If there
is one or more common input, we say that these signals are spatially correlated. To illustrate this
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FIGURE 3.3 Example signal to illustrate the concept of temporal correlation.

point, consider again the logic circuit of Figure 3.2 and assume that both input signals, x and
y, are independent and have a p, = p, = 0.5 probability of being at 1. Then, p,, the probability that
wis 1, is simply p,, = 1 - p,p, = 0.75. However, it is not true that p, = 1 - p,p, = 0.625 because
signals w and y are not independent: p,p, = (1 - p,p,).p, = p, - p.p, (note that p,p, = p)), giving
p.= (1 - p,+p,p,) = 0.75 This indicates that not accounting for spatial correlation can lead to
significant errors in the calculations.

Input signals may also be spatially correlated. Yet, in many practical cases, this correlation
is ignored, either because it is simply not known or because of the difficulty in modeling
this correlation. For a method that is able to account for all types of correlations among signals
see [16], but it cannot be applied to very large designs due to its high complexity.

A third important issue is temporal correlation. In probabilistic methods, the average switching
activity is computed from the probability of a signal making a transition 0 to 1 or 1 to 0. Temporal
correlation measures the probability that a signal is 0 or 1 in the next instant given that its present
value is 0 or 1. This means that computing the static probability of a signal being 1 is not sufficient,
and we need to calculate the transition probabilities directly so that temporal correlation is taken
into account. Consider signals x and y in Figure 3.3, where the vertical lines indicate clock periods.
The number of periods where these two signals are 0 or 1 is the same, and hence, the probability
of the signals being at 1 is p, = p, =0.5 (and the probability being at 0 is p{ = p) =0.5). If we only
consider this parameter, thus ignoring temporal correlation, the transition probability for both
signals is the same and can be computed as a = p” + p" = p°p' + p'p® = 0.5. However, we can
see that, during the depicted time interval, signal x remains low for three clock cycles, remains
high for another three cycles, and has a single clock cycle with a rising transition and another
with a falling transition. Averaging over the number of clock periods, we have p{° =2 =0.375,
Py =1=0.125, p* =1=0.125, and p}' =2 =0.375. Therefore, the actual average switching activ-
ity of x is o, = p2' + pi° =0.25. As for signal y, it never remains low or high, making a transition
on every clock cycle. Hence, p)° = p;' =0 and p)' = p,’ =% =0.5, and the actual average switching
activity of y is o, = p)' + p,’ = 1.0. This example illustrates the importance of modeling temporal
correlation and indicates that probabilistic techniques need to work with transition probabilities
for accurate switching activity estimates.

It has been shown that exact modeling of these issues makes the computation of the average
switching activity an NP-hard problem, meaning that exact methods are only applicable to small
circuits and thus are of little practical interest. Many different approximation schemes have been
proposed [17].

3.14.3 SEQUENTIAL CIRCUITS

Computing the switching activity for sequential circuits is significantly more difficult, because
the state space must be visited in a representative manner to ensure the accuracy of the state
signal probabilities. For simulation-based methods, this requirement may imply too large an
input sequence and, in practice, convergence is hard to guarantee.

Probabilistic methods can be effectively applied to sequential circuits, as the statistics for the
state signals can be derived from the circuit. The exact solution would require the computation
of the transition probabilities between all pairs of states in the sequential circuit. In many cases,
enumerating the states of the circuit is not possible, since these are exponential in the number
of sequential elements in the circuit. A common approximation is to compute the transition
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FIGURE 3.4 Creating temporal and spatial correlation among state signals.

probabilities for each state signal [18]. To partially recover the spatial correlation between state
signals, a typical approach is to duplicate the subset of logic that generates the next state signals
and append it to the present state signals, as is illustrated in Figure 3.4. Then the method for
combinational circuits is applied to this modified network, ignoring the switching activity in the
duplicated next state logic block.

3.1.5 ANALYSIS AT THE REGISTER-TRANSFER LEVEL

At the register-transfer level (RTL), the circuit is described in terms of interconnected modules
of varied complexity from simple logic gates to full-blown multipliers. Power estimation at this
level determines the signal statistics at the input of each of these modules and then feeds these
values to the module’s power model to evaluate its power dissipation. These models are normally
available with the library of modules. One way to obtain these power models is to characterize
the module using logic- or circuit-level estimators, a process known as macromodeling. We refer
to Chapter 13 of Electronic Design Automation for IC System Design, Verification, and Testing,
where this topic is discussed in more detail.

3.2 CIRCUIT-LEVEL POWER OPTIMIZATION

From the equations that model power consumption, one sees that a reduction of the supply
voltage has the largest impact on power reduction, given its quadratic effect. This has been the
largest source of power reductions and is widely applied across the semiconductor industry.
However, unless accompanied by the appropriate process scaling, reducing V,, comes at the
cost of increased propagation delays, necessitating the use of techniques to recover the lost
performance.

Lowering the frequency of operation, f,;, also reduces power consumption. This may be an
attractive option in situations with low-performance requirements. Yet, the power efficiency of
the circuit is not improved, as the amount of energy per operation remains constant.

A more interesting option is to address the switched capacitance term, aC,,,, by redesigning
the circuit such that the overall switching activity is reduced or the overall circuit capacitance is
reduced or by a combination of both, where the switching activity in high-capacitance nodes is
reduced, possibly by exchanging it with higher switching in nodes with lower capacitance.

Static power due to leakage current, however, presents a different set of challenges. As
Equation 3.5 shows, reducing V,, will reduce leakage current as well. However, reducing the
number of transitions to reduce switched capacitance has little benefit, since leakage power
is consumed whether or not there is a transition in the output of a gate. The most effective
way to reduce leakage is to effectively shut off the power to a circuit—this is called power gat-
ing. Other techniques are motivated by the relationship of leakage current to the threshold
voltage V7. Increasing the threshold voltage reduces the leakage current. Equation 3.6 moti-
vates other techniques that exploit the relationship of leakage current to circuit topology.
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In the following, we briefly discuss the key circuit-level techniques that have been developed to
address each of these points. There is a vast amount of published work that covers these and other
techniques in great detail, and the interested reader is recommended to start with books [19] and
overview papers [20] that cover these topics in greater depth.

3.2.1 TRANSISTOR SIZING

The propagation delay (usually just referred to as delay) of a gate is dependent on the gate out-
put resistance and the total capacitance (interconnect and load) [2]. Transistor sizing (or gate
sizing) helps reduce delay by increasing gate strength at the cost of increased area and power
consumption. Conversely by reducing gate strength, the switched capacitance, and therefore, the
power, can be reduced at the cost of increased delay. This trade-off can be performed manually
for custom designs or through the use of automated tools.

Up until the recent past, large parts of high-performance CPUs were typically custom designed.
Even now, the most performance critical parts of high-performance designs have a mix of syn-
thesized and custom designed parts. Such designs may involve manual tweaking of transistors
to upsize drivers along critical paths. If too many transistors are upsized unnecessarily, certain
designs can operate on the steep part of a circuit’s power—delay curve. In addition, the choice
of logic family used (e.g., static vs. dynamic logic) can also greatly influence the circuit’s power
consumption. The traditional emphasis on performance often leads to overdesign that is wasteful
of power. An emphasis on lower power, however, motivates the identification of such sources of
power waste. An example of such waste is circuit paths that are designed faster than they need
to be. For synthesized blocks, the synthesis tool can automatically reduce power by downsizing
devices in such paths. For manually designed blocks, on the other hand, downsizing may not
always be done. Automated downsizing tools can thus have a big impact. The benefit of such tools
is power savings as well as productivity gains over manual design methodologies.

The use of multiple-threshold voltages (“multi-V;”) to reduce leakage power in conjunction
with traditional transistor sizing is now a widely used design technique. The main idea here is
to use lower-V7 transistors in critical paths rather than large high-V; transistors. However, this
technique increases subthreshold leakage due to low V. So, it is very important to use low-V
transistor selectively and optimize their usage to achieve a good balance between capacitive cur-
rent and leakage current in order to minimize the total current. This consideration is now part
of the postsynthesis or postlayout automated tools and flows that recognize both low-V; and
high-V substitution. For example, after postlayout timing analysis, a layout tool can operate in
incremental mode to do two things: insert low-V cells into critical paths to improve speed and
insert higher-V cells into noncritical paths to bring leakage back down again.

Custom designers may have the flexibility to manually choose the transistor parameters to
generate custom cells. Most synthesized designs, however, only have the choice of picking from
different gates or cells in a cell library. These libraries typically have a selection of cells ranging
from high performance (high power) to low power (low performance). In this case, the transistor-
sizing problem reduces to the problem of optimal cell selection either during the initial synthesis
flow or of tweaking the initial selection in a postsynthesis flow. This has been an area of active
academic research [21] as well as a key optimization option in commercial tools [19].

3.2.2 VOLTAGE SCALING, VOLTAGE ISLANDS, AND VARIABLE V,,,

As mentioned earlier, the reduction of V,, is the most effective way of reducing power. The industry
has thus steadily moved to lower V. Indeed, reducing the supply voltage is the best for low-power
operation, even after taking into account the modifications to the system architecture, which are
required to maintain the computational throughput. Another issue with voltage scaling is that
to maintain performance, threshold voltage also needs to be scaled down since circuit speed is
roughly inversely proportional to (V,,—V7). Typically, V,, should be larger than 4V if speed is not
to suffer excessively. As the threshold voltage decreases, subthreshold leakage current increases
exponentially. With every 0.1 V reduction in V;, subthreshold current increases by 10 times.
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In the nanometer technologies, with further V. reduction, subthreshold current has become a
significant portion of the overall chip current. At 0.18 m feature size and less, leakage power
starts eating into the benefits of lower V,,. In addition, the design of dynamic circuits, caches,
sense amps, PLAs, etc., becomes difficult at higher subthreshold leakage currents. Lower V,, also
exacerbates noise and reliability concerns. To combat the subthreshold current increase, various
techniques have been developed, as mentioned in the Section 3.2.5.

Voltage islands and variable V,, are variations of voltage scaling that can be used at the circuit
level. Voltage scaling is mainly technology dependent and typically applied to the whole chip.
Voltage islands are more suitable for system-on-chip design, which integrates different functional
modules with various performance requirements onto a single chip. We refer to the chapter on
RTL power analysis and optimization techniques for more details on voltage islands. The variable
voltage and voltage island techniques are complementary and can be implemented on the same
block to be used simultaneously. In the variable voltage technique, the supply voltage is varied
based on throughput requirements. For higher-throughput applications, the supply voltage is
increased along with operating frequency and vice versa for the lower-throughput application.
Sometimes, this technique is also used to control power consumption and surface temperature.
On-chip sensors measure temperature or current requirements and lower the supply voltage to
reduce power consumption. Leakage power mitigation can be achieved at the device level by
applying multithreshold voltage devices, multichannel length devices, and stacking and parking
state techniques. The following section gives details on these techniques.

3.2.3 MULTIPLE-THRESHOLD VOLTAGES

Multiple-threshold voltages (most often a high-V7; and a low-V, option) have been available on
many, if not most, CMOS processes for a number of years. For any given circuit block, the designer
may choose to use one or the other V. or a mixture of the two. For example, use high-V transis-
tor as the default and then selectively insert low-V7 transistors. Since the standby power is so sen-
sitive to the number of low-V/, transistors, their usage, in the order of 5%—10% of the total number
of transistors, is generally limited to only fixing critical timing paths, or else leakage power could
increase dramatically. For instance, if the low-V; value is 110 mV less than the high-Vvalue, 20%
usage of the former will increase the chip standby power by nearly 500%. Low-V insertion does
not impact the active power component or design size, and it is often the easiest option in the
postlayout stage, leading to the least layout perturbation. Obvious candidate circuits for using
high-V transistors as the default and only using selectively low-V transistors are SRAMs, whose
power is dominated by leakage, and a higher V. generally also improves SRAM stability (as does a
longer channel). The main drawbacks of low-V transistors are that delay variations due to doping
are uncorrelated between the high- and low-threshold transistors, thus requiring larger timing
margins, and that extra mask steps are needed, which incur additional process cost.

3.24 LONG-CHANNEL TRANSISTORS

The use of transistors that have longer than nominal channel length is another method of reducing
leakage power [22]. For example, by drawing a transistor 10 nm longer (long-L) than a mini-
mum sized one, the DIBL is attenuated and the leakage can be reduced by 7x-10x on a 90 nm pro-
cess. With this one change, nearly 20% of the total SRAM leakage component can be eliminated
while maintaining performance. The loss in drive current due to increased channel resistance,
on the order of 10%—20%, can be compensated by an increase in width or since the impact is on
a single gate stage, it can be ignored for most of the designs [22]. The use of long-L is especially
useful for SRAMs, since their overall performance is relatively insensitive to transistor delay.
It can also be applied to other circuits, if used judiciously. Compared with multiple-threshold
voltages, long-channel insertion has similar or lower process cost—it manifests as size increases
rather than mask cost. It allows lower process complexity and the different channel lengths track
over process variation. It can be applied opportunistically to an existing design to limit leakage.
A potential penalty is the increase in gate capacitance. Overall active power does not increase
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significantly if the activity factor of the affected gates is low, so this should also be considered
when choosing target gates.

The target gate selection is driven by two main criteria. First, transistors must lie on paths
with sufficient timing margin. Second, the highest leakage transistors should be chosen first from
the selected paths. The first criterion ensures that the performance goals are met. The second
criterion helps in maximizing leakage power reduction. In order to use all of the available positive
timing slack and avoid errors, long-L insertion is most advisable at the late design stages.

The long-L insertion can be performed by using standard cells designed using long-L transistors
or by selecting individual transistors from the transistor-level design. Only the latter is applicable
to full custom design. There are advantages and disadvantages to both methods. For the cell-level
method, low-performance cells are designed with long-L transistors. For leakage reduction, high-
performance cells on noncritical paths are replaced with lower-performance cells with long-L. If
the footprint and port locations are identical, then this method simplifies the physical conver-
gence. Unfortunately, this method requires a much larger cell library. It also requires a fine-tuned
synthesis methodology to ensure long-L cell selection rather than lower-performance nominal
channel length cells. The transistor-level flow has its own benefits. A unified flow can be used for
custom blocks and auto placed-and-routed blocks. Only a single nominal cell library is needed,
albeit with space for long-L as mentioned.

3.2.5 TOPOLOGICAL TECHNIQUES: STACKING AND PARKING STATES

Another class of techniques exploits the dependence of leakage power on the topology of logic
gates. Two examples of such techniques are stacking and parking states. These techniques are
based on the fact that a stack of “OFF” transistors leaks less than when only a single device in a
stack is OFF. This is primarily due to the self-reverse biasing of the gate-to-source voltage Vi in
the OFF transistors in the stack. Figure 3.5 illustrates the voltage allocation of four transistors in
series [10]. As one can see, V4 is more negative when a transistor is closer to the top of the stack.
The transistor with the most negative Vi is the limiter for the leakage of the stack. In addition,
the threshold voltages for the top three transistors are increased because of the reverse-biased
body-to-source voltage (body effect).

Both the self-reverse biasing and the body effects reduce leakage exponentially as shown in
Equation 3.5. Finally, the overall leakage is also modulated by the DIBL effect for submicron
MOSEFETs. As V), increases, the channel energy barrier between the source and the drain is
lowered. Therefore, leakage current increases exponentially with V.

The combination of these three effects results in a progressively reduced V5, distribution from
the top to the bottom of the stack, since all of the transistors in series must have the same leakage
current. As a result, significantly reduced V), the effective leakage of stacked transistors, is much
lower than that of a single transistor.

Table 3.1 quantifies the basic characteristics of the subthreshold leakage current for a fully
static four-input NAND gate. The minimum leakage condition occurs for the “0000” input vec-
tor (i.e, all inputs a, b, ¢, and d are at logic zero). In this case, all the PMOS devices are “ON” and

13V

Ver=0V Vasi=—0.13V, Vpg =117V
V=0V Vs =—39.7mV, Vg, =91.8 mV
Ves=0V Vesz=—-154mV, Vg =243 mV
V=0V Vasa=0V, Vpgy=15.4mV

FIGURE 3.5 \oltage distribution of stacked transistors in OFF state.
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TABLE 3.1 Stacking Factors of Four-Input NAND

Minimum Maximum Average
Stacking factor Xs 175 70.02 9.95
Input vector (@b cd) arrn (0000) —

the leakage path exists between the output node and the ground through a stack of four NMOS
devices. The maximum leakage current occurs for the “1111” input case, when all the NMOS
devices are ON and the leakage path, consisting of four parallel PMOS devices, exists between
the supply and the output node. The stacking factor variation between the minimum and maxi-
mum leakage conditions reflects the magnitude of leakage dependence on the input vector. In
the four-input NAND case, we can conclude that the leakage variation between the minimum
and maximum cases is a factor of about 40 (see Table 3.1). The values were measured using an
accurate SPICE-like circuit simulator on a 0.18 pm technology library. The average leakage cur-
rent was computed based on the assumption that all the 16 input vectors were equally probable.

Stacking techniques take advantage of the effects described earlier to increase the stack
depth [23]. One of the examples is the sleep transistor technique. This technique inserts an extra
series-connected device in the stack and turns it OFF during the cycles when the stack will be
OFF as a whole. This comes at the cost of the extra logic to detect the OFF state, as well as the
extra delay, area, and dynamic power cost of the extra device. Therefore, this technique is typi-
cally applied at a much higher level of granularity, using a sleep transistor that is shared across a
larger block of logic. Most practical applications in fact apply this technique at a very high level
of granularity, where the sleep state (i.e., inactive state) of large circuit blocks such as memory
and ALUs can be easily determined. At that level, this technique can be viewed as analogous to
power gating, since it isolates the circuit block from the power rails when the circuit output is not
needed, that is, inactive. Power gating is a very effective and increasingly popular technique for
leakage reduction, and it is supported by commercial EDA tools [24], but it is mostly applied at the
microarchitectural or architectural level and therefore not discussed further in here.

The main idea behind the parking state technique is to force the gates in the circuit to the
low-leakage logic state when not in use [25]. As described earlier, leakage current is highly
dependent on the topological relationship between ON and OFF transistors in a stack, and
thus, leakage depends on the input values. This technique avoids the overhead of extra stacking
devices, but additional logic is needed to generate the desirable state, which has an area and
switching power cost. This technique is not advisable for random logic, but with careful imple-
mentation for structured datapath and memory arrays, it can save significant leakage power in
the OFF state.

One needs to be careful about using these techniques, given the area and switching overheads
of the introduced devices. Stacking is beneficial in cases where a small number of transis-
tors can add extra stack length to a wide cone of logic or gate the power supply to it. The delays
introduced by the sleep transistors or by power gating also imply that these techniques are
beneficial only when the targeted circuit blocks remain in the OFF state for long enough to
make up for the overhead of driving the transitions in and out of the OFF states. These limita-
tions can be overcome with careful manual intervention or by appropriate design intent hints
to automated tools.

Leakage power reduction will remain an active area of research, since leakage power is essen-
tially what limits the reduction of dynamic power through voltage scaling. As transistor
technology scales down to smaller feature sizes, making it possible to integrate greater numbers of
devices on the same chip, additional advances in materials and transistor designs can be expected
to allow for finer-grained control on the power (dynamic and leakage) and performance trade-offs.
This will need to be coupled with advances in power analysis to understand nanometer-scale
effects that have so far not been significant enough to warrant detailed power models. In conjunc-
tion with these models, new circuit techniques to address these effects will need to be developed.
As these circuit techniques gain wider acceptability and applicability, algorithmic research to
incorporate these techniques in automated synthesis flows will continue.
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3.2.6 LOGICSTYLES

Dynamic circuits are generally regarded as dissipating more power than their static counterparts.
While the power consumption of a static CMOS gate with constant inputs is limited to leakage
power, dynamic gates may be continually precharging and discharging their output capacitance
under certain input conditions.

For instance, if the inputs to the NAND gate in Figure 3.6a are stable, the output is stable. On
the other hand, the dynamic NAND gate of Figure 3.6b, under constant inputs A = B = 1, will
keep raising and lowering the output node, thus leading to high energy consumption.

For several reasons, dynamic logic families are preferred in many high-speed, high-density
designs (such as microprocessors). First, dynamic gates require fewer transistors, which means
not only that they take up less space but also that they exhibit a lower capacitive load, hence
allowing for increased operation speed and for reduced dynamic power dissipation. Second, the
evaluation of the output node can be performed solely through N-type MOSFET transistors,
which further contributes to the improvement in performance. Third, there is never a direct
path from V,, to ground, thus effectively eliminating the short-circuit power component. Finally,
dynamic circuits intrinsically do not create any spurious activity, which can make for a signifi-
cant reduction in power consumption. However, the design of dynamic circuits presents several
issues that have been addressed through different design families [26].

Pass-transistor logic is another design style whose merits for low power have been pointed out,
mainly due to the lower capacitance load of the input signal path. The problem is that this design
style may imply a significantly larger circuit.

Sequential circuit elements are of particular interest with respect to their chosen logic style,
given their contribution to the power consumption of a logic chip. These storage elements—
flip-flops or latches—are the end points of the clock network and constitute the biggest
portion of the switched capacitance of a chip because of both the rate at which their inputs switch
(every clock edge) and their total number (especially in high-speed circuits with shallow pipeline
depths). For this reason, these storage elements received a lot of attention [27]. For example,
dual-edge-triggered flip-flops have been proposed as a lower-power alternative to the traditional
single-edge-triggered flip-flops, since they provide an opportunity to reduce the effective clock
frequency by half. The trade-offs between ease of design, design portability, scalability, robust-
ness, and noise sensitivity, not to mention the basics trade-ofts of area and performance, require
these choices to be made only after a careful consideration of the particular design application.
These trade-offs also vary with technology node, as the leakage power consumption must be
factored into the choice.

In general, one can expect research and innovation in circuit styles to continue as long as
the fundamental circuit design techniques evolve to overcome the limitations or exploit the
opportunities provided by technology scaling.
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FIGURE 3.6 NAND gate: (a) static CMOS and (b) dynamic domino.
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3.3 Logic Synthesis for Low Power

3.3 LOGIC SYNTHESIS FOR LOW POWER

A significant amount of CAD research has been carried out in the area of low power logic
synthesis. By adding power consumption as a parameter for the synthesis tools, it is possible to
save power with no, or minimal, delay penalty.

3.3.1 LOGIC FACTORIZATION

A primary means of technology-independent optimization is the factoring of logical expressions.
For example, the expression xy V xz V wy V wz can be factored into (x V w)(y V z), reducing tran-
sistor count considerably. Common subexpressions can be found across multiple functions and
reused. For area optimization, several candidate divisors (e.g., kernels) of the given expressions
are generated and those that maximally reduce literal count are selected. Even though minimiz-
ing transistor count may, in general, reduce power consumption, in some cases the total effective
switched capacitance actually increases. When targeting power dissipation, the cost function
must take into account switching activity. The algorithms proposed for low power kernel extrac-
tion compute the switching activity associated with the selection of each kernel. Kernel selection
is based on the reduction of both area and switching activity [28].

3.3.2 DON'T-CARE OPTIMIZATION

Multilevel circuits are optimized taking into account appropriate don’t-care sets. The structure
of the logic circuit may imply that some input combinations of a given logic gate never occur.
These combinations form the controllability or satisfiability don’t-care set of the gate. Similarly,
there may be some input combinations for which the output value of the gate is not used in the
computation of any of the outputs of the circuit. The set of these combinations is called the
observability don’t-care set. Although initially don’t-care sets were used for area minimization,
techniques have been proposed for the use of don’t-care sets to reduce the switching activ-
ity at the output of a logic gate [29]. The transition probability of a static CMOS gate is given
by a, = 2ppy =2pi(1-pi) (ignoring temporal correlation). The maximum for this function
occurs for p; =0.5. Therefore, in order to minimize the switching activity, the strategy is to
include minterms from the don’t-care set in the onset of the function if p} > 0.5 or in the off-set
if p. <0.5.

3.3.3 PATH BALANCING

Spurious transitions account for a significant fraction of the switching activity power in
typical combinational logic circuits [30]. In order to reduce spurious switching activity, the
delay of paths that converge at each gate in the circuit should be roughly equal, a problem
known as path balancing. In the previous section, we discussed that transistor sizing can be
tailored to minimize power primarily at the cost of delaying signals not on the critical path.
This approach has the additional feature of contributing to path balancing. Alternatively,
path balancing can be achieved through the restructuring of the logic circuit, as illustrated

in Figure 3.7.
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FIGURE 3.7 Path balancing through logic restructuring to reduce spurious transitions.
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Path balancing is extremely sensitive to propagation delays, becoming a more difficult problem
when process variations are considered. The work in [30] addresses path balancing through a
statistical approach for delay and spurious activity estimation.

3.3.4 TECHNOLOGY MAPPING

Technology mapping is the process by which a logic circuit is realized in terms of the logic
elements available in a particular technology library. Associated with each logic element is the
information about its area, delay, and internal and external capacitances. The optimization
problem is to find the implementation that meets the delay constraint while minimizing a cost
function that is a function of area and power consumption [31,32]. To minimize power dissipa-
tion, nodes with high switching activity are mapped to internal nodes of complex logic elements,
as capacitances internal to gates are generally much smaller.

In many cases, the inputs of a logic gate are commutative in the Boolean sense. However, in
a particular gate implementation, equivalent pins may present different input capacitance loads.
In these cases, gate input assignment should be performed such that signals with high switching
activity map to the inputs that have lower input capacitance.

Additionally, most technology libraries include the same logic elements with different sizes
(i.e., driving capability). Thus, in technology mapping for low power, the size of each logic
element is chosen so that the delay constraints are met with minimum power consumption.
This problem is the discrete counterpart of the transistor-sizing problem described in the
previous section.

3.3.5 STATE ENCODING

The synthesis of sequential circuits offers new avenues for power optimization. State encoding
is the process by which a unique binary code is assigned to each state in a finite-state machine
(ESM). Although this assignment does not influence the functionality of the FSM, it determines
the complexity of the combinational logic block in the FSM implementation. State encoding for
low power uses heuristics that assign minimum Hamming distance codes to states that are con-
nected by edges that have larger probability of being traversed [33]. The probability that a given
edge in the state transition graph (STG) is traversed is given by the steady-state probability of the
STG being in the start state of the edge, multiplied by the static probability of the input combi-
nation associated with that edge. Whenever this edge is exercised, only a small number of state
signals (ideally one) will change, leading to reduced overall switching activity in the combinational
logic block.

3.3.6 FSM DECOMPOSITION

FSM decomposition has been proposed for low power implementation of an FSM. The basic idea
is to decompose the STG of the original FSM into two coupled STGs that together have the same
functionality as the original FSM. Except for transitions that involve going from one state in
one sub-FSM to a state in the other, only one of the sub-FSMs needs to be clocked. The strategy
for state selection is such that only a small number of states is selected for one of the sub-FSMs.
This selection consists of searching for a small cluster of states such that summation of the prob-
abilities of transitions between states in the cluster is high, and there is a very low probability
of transition to and from states outside of the cluster. The aim is to have a small sub-FSM that
is active most of the time, disabling the larger sub-FSM. Having a small number of transitions
to/from the other sub-FSM corresponds to the worst case, when both sub-FSMs are active. Each
sub-FSM has an extra output that disables the state registers of the other sub-FSM, as shown in
Figure 3.8. This extra output is also used to stop transitions at the inputs of the large sub-FSM.
An approach to perform this decomposition solely using circuit techniques, thus without any
derivation of the STG, was proposed in [34].
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FIGURE 3.8 Implementation diagram of a decomposed FSM for low power.
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FIGURE 3.9 Two retimed versions, (a) and (b), of a network to illustrate the impact of this operation
on the switched capacitance of a circuit.

Other techniques based on blocking input signal propagation and clock gating, such as pre-
computation, are covered in some detail in Chapter 13 of Electronic Design Automation for IC
System Design, Verification, and Testing.

3.3.7 RETIMING

Retiming was first proposed as a technique to improve throughput by moving the registers in a circuit
while maintaining input—output functionality. The use of retiming to minimize switching activity is
based on the observation that the output of a register has significantly fewer transitions than its input.
In particular, no glitching is present. Moving registers across nodes through retiming may change
the switching activity at several nodes in the circuit. In the circuit shown in Figure 3.9a, the switched
capacitance is given by N,C, + N,Cpr + N,C, and the switched capacitance in its retimed version,
shown in Figure 3.9b, is N,Cpr + N,C; + N;C,. One of these two circuits may have significantly less
switched capacitance. Heuristics to place registers such that nodes driving large capacitances have a
reduced switching activity, subject to a given throughput constraint, have been proposed [35].

3.4 SUMMARY

This chapter has covered methodologies for the reduction of power dissipation of digital circuits
at the lower levels of design abstraction. The reduction of supply voltage has a large impact on
power; however, it also reduces performance. Some of the techniques we described apply local
voltage reduction and dynamic voltage control to minimize the impact of lost performance.
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For most designs, the principal component of power consumption is related to the switch-
ing activity of the circuit during normal operation (dynamic power). The main strategy here is
to reduce the overall average switched capacitance, that is, the average amount of capacitance
that is charged or discharged during circuit operation. The techniques we presented address
this issue by selectively reducing the switching activity of high-capacitance nodes, possibly
at the expense of increasing the activity of other less capacitive nodes. Design automation
tools using these approaches can save 10%—50% in power consumption with little area and
delay overhead.

The static power component has been rising in importance with the reduction of feature size
due to increased leakage and subthreshold currents. Key methods, mostly at the circuit level, to
minimize this power component have been presented.

Also covered in this chapter are power analysis tools. The power estimates provided can be
used not only to indicate the absolute level of power consumption of the circuit but also to direct
the optimization process by indicating the most power-efficient design alternatives.
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4.1 INTRODUCTION

This chapter covers the challenge of formally checking whether two design specifications are
functionally equivalent. In general, there is a wide range of possible definitions of functional
equivalence covering comparisons between different levels of abstraction and varying granular-
ity of timing details. For example, one common approach is to consider the problem of machine
equivalence, which defines two synchronous design specifications functionally equivalent if,
clock by clock, they produce exactly the same sequence of output signals for any valid sequence
of input signals. A more general notion of functional equivalence is of importance in the area
of microprocessor design. Here, a crucial check is to compare functionally the specification of
the instruction set architecture with the register-transfer-level (RTL) implementation, ensuring
that any program executed on both models will cause an identical update of the main mem-
ory content. A system design flow provides a third example for yet another notion of functional
equivalence to be checked between a transaction-level model, for example, written in SystemC,
and its corresponding RTL specification or implementation. Such a check has been of increasing
interest in a system-on-a-chip design environment, and with the arrival of commercial tools such
as Calypto’s SLEC, this additional check has become more mainstream. The focus of this chapter
will be on the aforementioned machine equivalence, which in practical design flows is currently
the most established application of functionally comparing two design specifications. Following
common terminology, we will use the term equivalence checking synonymously with this nar-
row view of the problem.

The key to the practical success of formal equivalence checking is the separation of functional
and temporal concerns in contemporary design flows. By adopting a synchronous circuit style in
combination with a combinational design and verification paradigm, it enables an efficient valida-
tion of the overall design correctness by statically and independently checking the timing and
function. This approach is crucial for many steps in automated design optimization and analysis,
for example, logic synthesis, static timing analysis, test pattern generation, and test synthesis.
As outlined in later sections, this paradigm allows equivalence checking to reduce the problem
of general machine comparison to the problem of checking pairs of combinational circuits for
Boolean equivalence. Such checks can be performed efficiently for many practical designs by
exploiting structural similarities between the two circuits.

The need for formal equivalence checking methods was triggered by the necessity to use multiple
design models in hardware design flows. Each of these models is tuned for a distinct purpose to
address conflicting requirements. For example, in a typical case of using two models, the first
would be designed to support fast functional simulation, whereas the second would describe
in detail the envisioned circuit implementation, thus ensuring high performance of the final
hardware. IBM was one of the first companies to use such a multimodel design flow. Beginning
in the late 1970s, the design flow of IBM’s mainframe computer chips included RTL model-
ing to facilitate fast and cycle-accurate functional simulation at the early design stages. In the
initial methodology that predated automatic logic synthesis, the actual logic implementation
was designed independently and verified against the RTL by formal equivalence checking [1].
The capability of performing equivalence checking on large, industrial-scale designs was key for
the success of complex methodologies that use a multitude of models, each specifically tuned for
a distinct purpose.

In the early 1980s, IBM’s mainframe design flow introduced automatic logic synthesis that
largely replaced the manual design step. This did not diminish the importance of equivalence
checking that became instrumental in verifying the absence of functional discrepancies that
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are introduced by tool or methodology bugs or through frequent manual intervention. In the
early 1990s, IBM began to complement synthesis-based design flows with custom design circuit
blocks. Here again, formal equivalence checking between the RTL specification and manually
designed transistor-level implementation provided a critical component to ensure functional
correctness [2]. A similar approach was followed in the design flow of later versions of the Alpha
microprocessor [3] and Intel’s microprocessors [4]. In the mid-1990s, after logic synthesis became
broadly adopted in typical ASIC design flows, equivalence checking technology moved into the
domain of computer-aided design (CAD) tool vendors. Today, in many ASIC and custom design
methodologies, formal equivalence checking is a key component of the overall chip validation
procedure, similar to static timing analysis and design rule checking.

Equivalence checking has multiple important applications in hardware design flows. The most
common use in ASIC flows is equivalence checking as part of the sign-off verification step, which
compares the presynthesis RTL specification with the postsynthesis gate-level implementation.
This check can catch errors introduced by engineering changes, which are regularly applied to the
gate-level circuit for implementing late updates of timing or functionality. It can further uncover
errors introduced by bugs in the logic synthesis tool, test synthesis step, or the overall composi-
tion of the tool flow. As mentioned earlier, another important application can be found in custom
design styles typically utilized for high-speed designs such as microprocessors and video image
processors. Here, equivalence checking is employed as a design aid, helping the circuit designer
to implement a custom circuit at the transistor level according to its RTL specification. Other
common uses of equivalence checking include verification of library cells or larger blocks imple-
menting intellectual property, validation of equivalent but more compact simulation models, or
the validation of hardware emulation models.

The aforementioned application spectrum of equivalence checking is reflected in differences
in the use mode, the tool integration into an overall flow, and the tool interface in terms of
debugging feedback and control options. For example, in an ASIC sign-off application, equiva-
lence checking is typically applied in batch mode, verifying an entire chip design in a flat manner.
In contrast, in a custom design environment, equivalence checking can provide an interactive
design aid for which a tight integration into the schematic editor is highly valuable. Interestingly,
such a convenient setup has sometimes extended the use of equivalence checking as a verifi-
cation tool (which just confirms the correctness of an independently designed circuit) to a design
tool used in a loop to check quick circuit manipulations in a trial-and-error manner. Clearly, the
importance of debugging support is significantly different for a sign-off verification mode and
a design aid mode. The less frequent occurrence of miscompares in the first case requires less
sophisticated debugging support—a simple counterexample often suffices. In the latter cases,
design miscompares are more common and advanced debugging can offer significant gains in
productivity.

4.2 THE EQUIVALENCE CHECKING PROBLEM

Informally, two designs are defined to be functionally equivalent (in the context of this chapter)
if they produce identical output sequences for all valid input sequences. For a more formal defi-
nition of machine equivalence, we assume that both designs under comparison are modeled as
finite-state machines (FSMs). In the following notation, we generally use uppercase and lowercase
letters for sets and variables, respectively. Furthermore, we use underlined letters for vectors of
variables and denote their individual members by superscripts. We will refer to the original and
complemented value of a function as its positive and negative phases, respectively.

Let M = (X,Y;S,5,,0,\) denote a (Mealy-type) FSM in the common manner, where X, Y; S, and
S, are the sets of inputs, outputs, states, and initial states, respectively. 8:X x S—S, S denotes the
next-state function and A:X x S— Y, Y is the output function. Furthermore, let s = (s',...,5%),
x=(x",...,x"), and y = (yl,. . .,yw) be variable vectors holding the values for the encoded states S,
inputs X, and outputs Y, respectively, of an FSM M. We will refer to the encoding variables for the
states as state bits or registers and to the variables for the inputs and outputs as input and output
signals, respectively. Furthermore, let §(x,s) = (8"(x, 5),...,8“(x, 5)) denote the vector of next-state
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functions for the state bits. A state s, is considered reachable if there exists a sequence of tran-
sitions from an initial state s, to s, that is, (§0,§1),(§0,§2),...,(§n71,§n), where 35.(&41 :8(%&'))
forO<i<n.

In the sequel, we assume the following simplifications. First, we restrict comparison to
machines that have exactly one initial state, that is, Sy ={so}. Second, we require a one-to-one
mapping between the inputs of the two machines and similarly a one-to-one mapping between
their outputs. Furthermore, we assume that the timing of both machines is identical, that is, they
run at the same clock speed, consume inputs at the same rate, and similarly produce outputs at
identical rates. All three assumptions can be lifted in a straightforward manner.

For checking functional equivalence of two machines M, and M, with pairs of mapped input
and outputs, we construct a product machine M = (X,Y,S,5,0,\) = M, x M, in the following
manner:

X=X1=X,
§=5xS,
So =801 %S0,
Y ={0,1}

3(x(s1,8)) = (81(%,5),0: (%, %))
_{1 ifA(x,8)=ho(x,5)

J§]

M, (

[en
I
=
=

" 10 otherwise

A schematic view of the construction of the product machine is given in Figure 4.1.

The two machines, M, and M,, are said to be functionally equivalent, iff the output function of
M produces “1” for all of its reachable states and input vectors, that is, A< 1.

In general, verifying that the product machine M produces A< 1 for all reachable states is
achieved by identifying a characteristic function o(s) that relates the states of M, and M, and
partitions the state space of M in two parts as depicted in Figure 4.2.

Informally, this characteristic function splits the state space of M into two halves such that
the following applies:

X1 pal E
T\ :
e O

x | Aes1?
® M 1
L D » o
1 \) !
2 1
s |
s | 2 PO

FIGURE 4.1 Product machine for comparing two finite-state machines.
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State space of product
machine M

Initial state s,

0()=1 0(s)=0

(O Comparing states (\(x,s) = 1)
o Miscomparing state (A(x,s) =0)

FIGURE 4.2 State-space structure of the product machine.

1. All initial states are in the first part (@ = 1).
2. All miscomparing states, that is, A< 0, are in the second part (g = 0).

There is no transition from the first half to the second half.

If such a characteristic function exists, then one can use an inductive argument to reason
that no miscomparing state can be reached from any of the initial states, that is, both machines
are functionally equivalent. In fact, one can show that the inverse also holds true, namely,
equivalence of M, and M, implies the existence of such a characteristic function.

Formally, the product machine M produces A< 1 for all reachable states iff there exists a
function @:S— {0,1} such that

o(sg)=1
o(s)=1=Vx.0(8(x,s)=1
(4.1) o(s)=1=Vx.Mx,s5)=1

The task of equivalence checking consists of two parts. First, a candidate for the characteris-
tic function @ must be identified, and second, for the given @ conditions, Equation 4.1 must be
checked for validity. The latter check requires efficient methods for Boolean reasoning, which are
described in Section 4.3. Various methods for equivalence checking differ in the way candidates
for @ are obtained. The most common approach assumes a combinational equivalence checking
paradigm and uses a known or guessed correspondence of the registers of M, and M, to derive @
implicitly. In this case, the general check for functional equivalence can be reduced to verifying
Boolean equivalence of a set of combinational circuits. More details on combinational equiva-
lence checking can be found in Section 4.4, whereas Section 4.5 outlines the methods for general
sequential equivalence checking (SEC).

4.3 BOOLEAN REASONING

In this section, we review the techniques for Boolean reasoning that form the foundation for
equivalence checking algorithms. We first present binary decision diagrams (BDDs) [5], a popu-
lar data structure for Boolean functions, which are especially suited for the manipulation of the
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characteristic function g. We then review algorithms for the propositional (or Boolean) satisfiabil-
ity problem, which can be used to decide the validity of Equation 4.1 without explicitly building a
representation of @. In particular, we first restrict our attention to the satisfiability of conjunctive
normal form (CNF) formulae and then briefly consider the general case.

4.3.1 BINARY DECISION DIAGRAMS

Besides equivalence checking, many algorithms in synthesis and verification manipulate complex
logic function. A data structure to support this task is, therefore, of great practical usefulness.
BDDs [5] have become highly popular because of their efficiency and versatility.

A BDD is an acyclic graph with two leaves representing the constant functions 0 and 1. Each
internal node 7 is labeled with a variable n and has two children ¢ (then) and e (else). Its function
is inductively defined as follows:

(4.2) f(n) :(V /\f(t))v(—'w\f(e))
Three restrictions are customarily imposed on BDDs:

1. There may not be isomorphic subgraphs.

2. For all internal nodes, ¢t # e.

3. The variables are totally ordered. The variables labeling the nonconstant children of a
node must follow in the order of the variable labeling the node itself.

Under these restrictions, BDDs provide a canonical representation of functions, in the sense that
for a fixed variable order, there is a bijection between logic functions and BDDs. Unless otherwise
stated, BDDs will be assumed to be reduced and ordered. The BDD for F = (x; A x,) V (x, A x;) with
variable order x, < x, < x5 is shown in Figure 4.3.

Canonicity is important in two main respects: it makes equivalence tests easy, and it increases
the efficiency of memoization (the recording of results to avoid their recomputation). On the
other hand, canonicity makes BDDs less concise than general circuits. The best-known case is
that of multipliers, for which circuits are polynomial and BDDs exponential [6]. Several variants
of BDDs have been devised to address this limitation. Some of them have been quite successful
for certain classes of problems (for instance, binary moment diagrams [7] for multipliers). Other
variants of BDDs have been motivated by the desire to represent functions that map {0, 1}" to
some arbitrary set (e.g., the real numbers) [8].

For ordered BDDs, f{t) and f(e) do not depend on v; hence, comparison of Equation 4.2 to
Boole’s expansion theorem

(4.3) f=xAfi)v(i=xn f,)

FIGURE 4.3 Binary decision diagram for F = (x; A x3) V (x; A X3).
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shows that f{t) = f(n),, the positive cofactor (or restriction) of f(n) with respect to v, and
fle) = fln) _,, the negative cofactor. This is the basis of most algorithms that manipulate BDDs,
because for a generic Boolean connective {op),

(4.4) flopdg =(x A(filop)gs)) v (—x A (flopdgs))

This is applied with x chosen as the first variable in the order that appears in either for g. This
guarantees that the cofactors can be computed easily. If x does not appear in f, then f, = f_, = f;
otherwise, f, is the then child of fand f_, is the else child. It is likewise for g. The terminal cases
of the recursion depend on the specific operator. For instance, when computing the conjunction
of two BDDs, the result is immediately known if either operand is constant or if the two oper-
ands are identical or complementary. All these conditions can be checked in constant time if the
right provisions are made in the data structures [9].

Two tables are used by most BDD algorithms. The unique table allows the algorithm to access
all nodes using the triple (v, ¢, e) as key. The unique table is consulted before creating a new
node. If a node with the desired key already exists, it is reused. This approach guarantees that
equivalent functions will share the same BDD rather than having isomorphic BDDs; therefore,
equivalence checks are performed in constant time.

The computed table stores recent operations and their results. Without the computed table,
most operations on BDDs would take time exponential in the number of variables. With a loss-
less computed table (one that records the results of all previous computations), the time for most
common operations is polynomial in the size of the operands. The details of the implementation
of the unique and computed tables dramatically affect the performance of BDD manipulation
algorithms and have been the subject of careful study [10].

The order of variables may have a large impact on the size of the BDD for a given function.
For adders, for instance, the optimal orders give BDDs of linear size, while bad orders lead to
exponential BDDs. The optimal ordering problem for BDDs is hard [11]. Hence, various methods
have been proposed to either derive a variable order from the inspection of the circuit for which
BDDs must be built or dynamically compute a good order while the BDDs are built [12].

An exhaustive list of applications of BDDs to problems in CAD is too long to be attempted
here. Besides equivalence checking and symbolic model checking, BDD-based algorithms have
been proposed for most synthesis tasks, including two-level minimization, local optimization,
factorization, and technology mapping. Despite their undeniable success, BDDs are not a panacea;
their use is most profitable when the algorithms capitalize on their strengths [13] and avoid their
weaknesses by combining BDDs with other representations [14—16], for instance, with satisfiabil-
ity solvers for CNF expressions.

4.3.2 CONJUNCTIVE NORMAL FORM SATISFIABILITY

A SAT solver returns an assignment to the variables of a propositional formula that satisfies it if
such an assignment exists. A literal is either a variable or its negation, a clause is a disjunction of
literals from distinct variables, and a CNF formula is a conjunction of clauses. We will use the
following simple CNF formula as a running example:

(4.5) (mavbve)r(an—bvc)A(—=cvd)A(=cv —d)

The variables are the letters a through d; a and —a are the two literals (positive and negative)
of variable a. The formula is the conjunction of four clauses, each consisting of two or three
literals. The Boolean connectives V, A, and — stand for disjunction (OR), conjunction (AND), and
negation (NOT), respectively.

The CNF satisfiability problem (CNF SAT for short) is the one of finding an assignment
(a mapping of each variable to either 0 or 1) such that all clauses contain at least one true literal.
In our example Equation 4.5, one such satisfying assignmentisa =b =c=d = 0. A CNF
formula with no clauses is trivially satisfiable, whereas a formula containing a clause with no
literals (the empty clause) is not satisfiable.
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The CNF SAT problem is hard, in the sense that no worst-case polynomial-time algorithm is
known for it. It is in fact the archetypal nondeterministic polynomial (NP)-complete problem
[17]. It can be solved in polynomial time by a nondeterministic machine that can guess a satisfy-
ing assignment and then verify it in linear time. However, if a deterministic polynomial-time
algorithm were known for CNF SAT, then a polynomial-time algorithm would also exist for all
problems that a nondeterministic machine can solve in polynomial time.

Practical algorithms for CNF SAT rely on search and on the notion of resolution, which says
that (x V —y) A (y V 2) implies the resolvent of the two clauses (x V z). A CNF formula is not sat-
isfiable iff the empty clause can be resolved from its clauses. A search algorithm for SAT finds a
satisfying assignment to a given formula if it exists and may produce a resolution of the empty
clause otherwise. The approach was first described in work by Davis, Putnam, Logemann, and
Loveland [18,19]. Hence, it is commonly called the DPLL procedure. However, important details
have changed in the last 40 years. The GRASP solver [20], in particular, has popularized the
approach to search based on clause recording and nonchronological backtracking that we outline.
Even if we present the algorithm in the context of CNF SAT, it is of wider applicability. In particu-
lar, it works on a generic Boolean circuit.

Figure 4.4 shows the pseudocode for the DPLL procedure, which works on three major data
structures. The first is the clause database, which at an abstract level is just a list of clauses.
The second data structure is the assignment stack in which all variable assignments currently
in effect are kept together with their levels and causes, that is, with information about when and
why the assignment was made. The third data structure is the assignment queue, which stores the
assignments that have been identified, but not yet affected.

Before they are handed to the DPLL procedure, the clauses are reprocessed to identify unit
clauses and pure literals. A unit clause consists of one literal only, which consequently must be
true in all satisfying assignments. The assignments for the unit literals are entered in the assign-
ment queue. Throughout the algorithm, if all the literals of a clause except one are false and the
remaining one is unassigned, then that last literal is implied to 1 and the corresponding assign-
ment is implied. The implication is added to the assignment queue. A conflict occurs when both
literals of a variable are implied to true.

A pure literal is such that the opposite literal does not appear in any clause. If there is a satisfy-
ing assignment with the pure literal set to 0, then the assignment obtained from it by changing that
literal to 1 is also satisfying. Hence, assignments that make pure literals true are also entered in the
assignment queue. The handling of unit clauses and pure literals comprises preprocessing.

The procedure “ChooseNextAssignment” checks the assignment queue. If the queue is empty,
the procedure makes a decision: it chooses one unassigned variable and a value for it and
adds the assignment to the queue. Every time a decision is made, the decision level is increased.
The assignments made during preprocessing are at level 0 and each subsequent decision increases
the decision level by 1. The decision level decreases when backtracking occurs. If no unassigned
variable can be found, “ChooseNextAssignment” returns false. This causes DPLL to return an
affirmative answer, because a complete assignment to the variables has been found that causes no
conflict. Since it causes no conflict, it is satisfying.

If the queue was not empty or a decision has been added to it, one assignment is removed
from it and added to the assignment stack for the current decision level. The stack also records
the cause for the assignment: either a decision or an implication. In the latter case, the clause that
caused the implication is recorded.

1 DPLL() {

2 while (CHOOSENEXTASSIGNMENTY()) {

3 while (DEpUCE() == CONFLICT) {

4 blevel = ANALYZECONFLICT();

5 if (blevel < 0) return UNSATISFIABLE;
6 else BAckTrACK(blevel);

7 }

8 }

9 return SATISFIABLE;

10 }

FIGURE 4.4 DPLL algorithm.
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When a new assignment is added to the stack, its implications are added by “Deduce” to the
assignment queue. An implication occurs in a clause when all literals except one are false and
the remaining literal is unassigned. Efficient computation of implications for clauses is dis-
cussed in [21].

If the implications yield a conflict (both literals of a variable are implied), ANALYZECONFLICT()
is launched. Conflict analysis relies on the (implicit) construction of an implication graph. Each
literal in the conflicting clause has been assigned at some level either by a decision or by an impli-
cation. If there are multiple literals from the current decision level, at least one of them is implied.
Conflict analysis locates the clause that is the source of that implication and extends the implication
graph by adding arcs from the antecedents of the implication to the consequent one. This process is
carried out until there is exactly one assignment for the current level among the leaves of the tree.
The disjunction of the negation of the leaf assignments gives then the conflict clause.

For the example Equation 4.5, preprocessing produces no assignment. Suppose that the first
decision is to set a to 0. This is the level-1 decision and is denoted by ~a@]l. It is not the choice
an SAT solver would likely make but is convenient for illustrative purposes. No assignments are
deduced from —a@l. Suppose the second decision is b@2; from it we deduce c@2 from the
second clause. This, in turn, yields d@2 and ~d@2 through the last two clauses. The two opposite
assignments to d signal a conflict, which is therefore analyzed.

From Figure 4.5, one sees that =a A b is enough to cause the conflict. Hence, every satisfying
assignment must satisfy the clause (a vV —b). One also sees that ¢ is sufficient to cause the conflict
and that, consequently, =c is a (unit) clause that can be added. Both (a v —=b) and ¢ contain exactly
one literal assigned at the current level (i.e., at level 2).

The highest level of the assignments in the conflict clause, excluding the current one, is the
backtracking level. Backtracking over some decisions that did not contribute to the conflict goes
under the name of nonchronological backtracking. The single assignment at the current level is
known as unique implication point (UIP). Conflict clauses based on the first UIP (the one clos-
est to the conflict, like —¢ in the example) have been empirically found to work well [22]. When
the conflict clause contains a UIP—not necessarily the first UIP—the effect of backtracking is to
malke that clause asserting. That is, all literals in the clause are false except for the UIP literal. This
causes that literal to be asserted to the opposite value that it had when the conflict was detected.
The procedure of Figure 4.4 relies on asserting conflict clauses to guarantee termination [23].

Returning to our example, if (@ v —b) is used as a conflict clause, the backtracking level is 1,
where the assignment ~b@1 is deduced. If the next decisions are ~c@2 and d@3, all variables
are assigned, and the search terminates with a satisfying assignment. If, on the other hand, —c is
added as conflict clause, the backtracking level is O (since there is no literal in the clause except
the UIP) and ~¢@0 is deduced. If the next decision is again ~a@1, we get "b@1 by implication. At
this point, all clauses are satisfied, and no matter what value is chosen for the only unassigned
variable, d, we obtain a satisfying assignment at level 2.

In our example, the computation of the first UIP proceeds as follows. Suppose the conflict is
detected when examining the fourth clause; that is, (~¢ v =d) is the conflicting clause. Resolution
is applied to this clause and to the clause that caused the other implication for d, ( =¢ Vv d). The
result is —¢. Since this clause contains exactly one literal at level 2, the first UIP has been found
and the process stops. If one desires another UIP, one would continue by resolving —¢ with the
clause that caused the implication c@2, namely, (@ V =b V ¢). The result, (a V —b), is the other con-
flict clause that we have examined and contains the remaining UIP for this example.

The clauses that result from conflict analysis are used to steer the search away from a current
partial assignment that cannot be extended to a complete assignment. They may also prevent the

—a@1 y d@2

2 @2 Conflict

b@2 \4‘

FIGURE 4.5 Implication graph. Each implication is annotated with the ordinal of the clause in
Equation 4.5 that caused it.

—d@2
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exploration of equally fruitless regions of the search space. For that reason, conflict clauses are
recorded in the clause database. Periodically, those that are deemed less useful may be discarded
to conserve space. Conflict clauses fulfill three important additional tasks: they are used to decide
which decisions to make [21]; they are passed from one problem instance to the next to imple-
ment efficient incremental SAT solvers [24]; and they are recorded, together with the implication
graphs from which they were derived, to produce the resolution proofs of unsatisfiable instances
[23]. For the sake of conciseness, the reader can refer to the works in the “Reference” section for
the details of these and other tasks. It would suffice to say that a skillful blend of the techniques
we have briefly outlined has produced SAT solvers that can deal with many problems with
hundreds of thousands of variables and millions of clauses. This kind of capacity is crucial in
applications of SAT to equivalence checking.

4.3.3 HYBRID SATISFIABILITY METHODS

Given a generic combinational Boolean circuit, it is possible to translate it into an equisatisfiable
CNF formula in linear time. For each logic gate, one generates a set of clauses relating the gate
inputs to the gate output. For instance, the clauses that express the behavior of the AND gate
z=a Abare(aV -2),bV z),and (na Vv —b V z). Thanks to this translation, one can, at least in
theory, rely exclusively on a CNF SAT solver when reasoning about Boolean circuits. However,
there are advantages to be had from dealing directly with the original circuit as well as from
allowing mixed representations of the formulae whose satisfiability is investigated.

When trying to prove that combinational circuits are equivalent, reasoning on the circuits
themselves allows one to detect structurally identical subcircuits, which can be merged to simplify
the proof of equivalence of the remaining parts. This approach can be extended in two important
ways. First, one can use a semicanonical circuit representation to increase the chances that equiva-
lent circuits will have the same structure. One example of this semicanonical representation is the
and—inverter graph (AIG) [14], in which every node of the circuit is an AND gate whose inputs
may be inverted. One can quickly identify isomorphic subcircuits in an AIG by hashing the gates.
The second extension to structural comparison consists of computing signatures for the nodes of
a circuit so that nodes with different signatures are known not to be equivalent. The few nodes
with identical signatures can be subjected to further, more expensive, analysis to establish whether
they are equivalent. Signature computation is usually based on simulation [25], while the more
expensive analysis techniques can be based on either BDDs or CNF SAT.

In summary, direct manipulation of a circuit representation often leads to significant
simplification in the task handed to the complete decision procedures. The combination of
Boolean circuits, CNF clauses, and BDDs also finds application in general SAT solvers [26-28],
which can leverage the strengths of the individual representations.

4.3.4 RELATED APPLICATIONS OF BOOLEAN REASONING IN COMPUTER-AIDED DESIGN

The application of Boolean reasoning in CAD is not limited to equivalence checking. Rather,
Boolean reasoning is one of the fundamental tools for analysis and optimization in a wide range
of problems in verification, synthesis, and testing. Many CAD problems can be modeled as
discrete decision problem with a finite domain and therefore can be expressed as (a sequence of)
satisfiability checks. The recent rapid improvements in the size of the SAT problems that can be
efficiently handled make such an approach practical for surprisingly large instances.

Satisfiability checking was first introduced to the CAD domain for automatic test pattern
generation (ATPG). ATPG computes a suitable set of test vectors that can demonstrate the
absence of certain manufacturing faults [29]. Owing to its early use and algorithmic advances,
the application of ATPG-style Boolean reasoning was adopted in many areas such as equiva-
lence checking [30,31], logic synthesis [32—34], and verification [35,36]. Later, the introduction
and improvement of BDDs, CNF SAT, circuit-based SAT, and hybrid methods substituted or
complemented classical ATPG techniques in these domains.

The chapters on assertion-based verification (Chapter 18 of Electronic Design Automation
for IC System Design, Verification, and Testing), formal property verification (Chapter 20 of
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Electronic Design Automation for IC System Design, Verification, and Testing), ATPG (Chapter 22
of Electronic Design Automation for IC System Design, Verification, and Testing), and logic syn-
thesis (Chapter 2 of this volume) provide detailed summaries of corresponding CAD areas that
make extensive use of Boolean reasoning.

4.4 COMBINATIONAL EQUIVALENCE CHECKING

Most practical equivalence checking approaches assume a combinational verification paradigm, that
is, they require that the general problem of checking the product machine shown in Figure 4.1
can be reduced to comparing pairs of combinational circuits. In the simplest (and also most
common case), they expect a one-to-one correspondence between the registers of both designs
under comparison. Such requirements are enforced by an overall design methodology that strikes
for a practical compromise, which minimizes the restrictions on the designers, yet ensures an
efficient verification flow. For example, by using only combinational logic optimization methods,
a one-to-one register correspondence is automatically achieved in a synthesis-based ASIC design
flow. Similarly, in a custom design flow, the circuit designer can be required to use the same state
encoding for the implementation as given in the RTL specification. This can be further restricted
by also requiring the use of identical register names, thereby facilitating an efficient computation
of the correspondence.

4.4.1 BASIC APPROACH

In case of a one-to-one register correspondence, the equivalence of the two machines is shown if
all corresponding next-state functions and output functions are proved to be functionally equal.
For this, all pairs of corresponding register inputs and primary inputs are connected and driven
by a unique variable each. This setup corresponds to a specific characteristic function % that is
tested for validity. Figure 4.6 shows the corresponding setup, and Figure 4.7 gives the derived
Miter* structure that was first introduced in [31].

Equivalence checking of two designs with corresponding registers is done in two steps:

1. In the first step, the register correspondence is either guessed using simple heuristics or
computed exactly. The spectrum of methods ranges from simple name-based methods
to systematic methods (e.g., the ones outlined in Section 4.4.2) and often utilizes
combinations of both. Name-based methods simply match up instance names of
registers or names of signals connected to registers and design ports. This process is
typically controlled by user-defined name-matching rules that allow the use of partial
name matches, substitution of strings in names, etc.

2. The second step involves the actual functional comparison of the individual combinational
circuits. For this, a variety of methods for Boolean reasoning are applied, including the
base methods outlined in Section 4.3.

It is important to note that an equivalence check based on register correspondence is sound
but not complete. Soundness states that if all combinational checks pass, the two circuits are
indeed functionally equivalent. The lack of completeness means that if any check fails, it cannot
be decided whether the two machines are truly inequivalent or if only the given register equiva-
lence is incorrect. In other words, referring to the concept of @ introduced in Section 4.2, the fail-
ing of check (Equation 4.1) cannot distinguish between an incorrectly chosen candidate for the
characteristic function Q and true machine inequivalence.

In a practical design methodology, the incompleteness is addressed by rejecting all designs
for which the comparison fails and demands a design update with an equivalent input/output
behavior and a valid register correspondence. This effectively tightens the correctness criteria for

* According to Brand [31], the “Logic Constituting a Miter” resembles two slabs of wood connected with a miter joint.
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FIGURE 4.6 Combinational equivalence check based on register correspondence.
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FIGURE 4.7 Miter circuit derived from the configuration of Figure 4.6 for combinational
equivalence checking.

design equivalence by requiring identical input/output behavior and a valid register correspon-
dence that can prove equivalence by a combinational check.

4.4.2 REGISTER CORRESPONDENCE

In many practical design flows, a candidate register correspondence is derived from naming
conventions. In the absence of naming rules, or if registers are only partially matched by names,
the register correspondence can be computed automatically as a greatest fixed point using the
algorithm outlined in Figure 4.8. The algorithm starts with one equivalence class (bucket) for
the register correspondence, containing all registers (line 2). During each iteration, a unique
variable is introduced for the outputs of all registers of each bucket (line 5) and all next-state
functions are computed (line 8) based on these variables. Next, the buckets are partitioned into
pieces that have identical next-state functions (line 11). This process is repeated until a fixed
point is reached (line 10). The partitioning of the register buckets is monotonic, that is, the
number of buckets increases strictly from iteration to iteration until a fixed point is reached.
Thus, the algorithm will terminate after at most « iterations, where u is the total number of
registers in the product machines.
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1 REGISTER_CORRESPONDENCE() {

2 put all registers r into bucket[0]

3 do {

4 forall buckets i do {

5 initialize output of all registers r € i with variable v [i]
6 }

7 forall registers r do {

8 compute next state functions 8[r] based on inputs v

9 }

10 if V buckets i: r,,r, € i < 8[r;] = 8[r,] return

11 split all buckets i into multiple buckets i; s.t. r,,r, € §; < 8[r,] = 5[r,]
12 )

13 )

FIGURE 4.8 Algorithm for computing functional register correspondence.

If a canonical or semicanonical representation is used for the next-state functions, the
comparison and refinement in lines 10 and 11 can simply be implemented by array sorting and
splitting. For example, if BDDs (see Section 4.3.1) are applied, sorting the array of next-state
functions by BDD pointer values moves identical functions to adjacent index positions. A single-
array sweep can then perform the partitioning step. Furthermore, if the representation allows
efficient function complementation, this approach can also handle complemented registers: the
construction of the next-state functions uses the complement of the bucket variable for these
registers, and similarly, the resulting functions for them are complemented before comparison.
Other examples of function representations that are applicable in this setting are the “and/
inverter” graph [14] or Boolean expression diagrams [37].

If a register correspondence between two machines exists, the algorithm of Figure 4.8 is guar-
anteed to find it. However, in case of discrepancies in any of the next-state functions, the algorithm
generally fails. In the extreme case, the effect of a single incorrect next-state function may ripple
through each iteration of the algorithm and split all buckets until they contain only one register.

A more relaxed criterion under which registers are considered equivalent can make a cor-
respondence algorithm more robust. For example, an algorithm may consider two registers
equivalent if the support sets of their next-state functions are equivalent with respect to the
register correspondence. The algorithm given in Figure 4.8 can be modified to accommodate
such relaxed criteria by adjusting the criteria in lines 10 and 11. Instead of performing a func-
tional comparison, the support sets need to be simply compared. Clearly, this criterion may
result in incorrect matching results. For example, two pairs of registers that represent two
distinct state bits may have identical support sets and would get matched by such a crite-
rion. Similarly, a register function may be functionally independent of particular inputs of
its support set. If another functionally corresponding register omits any of these inputs, the
matching based on input support would fail. Despite the possibility of producing incorrect
results, a structural corresponding algorithm based on support sets works well in practice. It
is significantly faster than the full functional correspondence algorithm and provides valuable
information, even if next-state functions are erroneous. For the application in an equivalence
checking tool, the structural correspondence algorithm can be used first, possibly in combi-
nation with complete or partial name matching. Only for register pairs where this algorithm
produces incorrect matchings, not only the precise but also the more expensive functional
correspondence is applied.

More details and improvements of register correspondence algorithms can be found in the
literature [38,39]. The automated detection of a register correspondence can be extended to
handle don'’t cares [40].

4.4.3 EQUIVALENCE CHECKING OF RETIMED CIRCUITS

Sequential logic synthesis techniques have been researched for many years, and there are a num-
ber of efficient approaches available that are applicable to practical designs. However, thus far
their adoption in contemporary tool flows has been slow. The lack of an efficient equivalence
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checking flow is often cited as one of the reasons for this limited use. In the following, we focus
the discussion on verifying circuits that have been optimized by retiming.

Retiming [41,42] is commonly referred to as a structural transformation of a sequential circuit
that changes the positions of registers and latches without modifying the design’s input—output
behavior. The objective of retiming is to decrease the overall design cycle time by balancing the
combinational path delays through a realignment of the synchronization grid. Figure 4.9 illus-
trates the impact of a retiming transformation on the FSM structure of a circuit. The registers
are moved either forward or backward, without changing the structure of the remaining logic.
As shown in the figure, the register repositioning effectively moves the corresponding logic from
one side of the combination logic block to the other.

As mentioned earlier, the most robust and scalable application of equivalence checking is based
on a combinational verification paradigm. In the case of retiming, the next-state functions are
not comparable, and therefore, a straightforward application of equivalence checking methods
mentioned in the previous subsections is not possible. However, by preserving the retime logic
from the synthesis flow and applying it to make both designs comparable, the general sequential
verification problem can also be reduced to a combinational case. Figure 4.10 illustrates this
approach. In essence, both machines are patched with pieces of the retime logic to make the
interfaces comparable. For this, the forward retime logic is added to the inputs of s{ to make the
new inputs comparable with s. It is also added to the outputs of s to make them comparable with
the outputs s/ of the retimed machine. Similarly, the backward retime logic is added to s? and
sb. As a result, both machines have compatible current- and next-state variables that allow the
application of a combinational verification paradigm. Note that this scheme is sound and cannot
produce false-positive verification results.

Adding retime logic for equivalence checking can be done in multiple iterations, for example,
to patch a sequence of retiming transformations interleaved with combinational optimization.
At each step, the number of logic levels increases, which makes the combinational comparison
more difficult. Furthermore, efficient equivalence checking algorithms heavily exploit structural
similarities of the two designs under comparison [43]. For too many retiming skhells with little or
no structural similarity, the equivalence checking problem may become intractable. However, a
targeted and localized application of retiming for alleviating timing problems will typically result
in small pieces of retime logic and therefore will not impact the performance of equivalence
checking in the given setting.

Further generalizations to verify circuits that have been optimized by retiming can be found
in [44-46].
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FIGURE4.9 FEffect of retiming on the finite-state machine structure of a design: (a) Forward retimed
logic and (b) backward retimed logic.
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FIGURE 4.10 Application of the retime functions for equivalence checking based on a combina-
tional verification paradigm.

4.5 SEQUENTIAL EQUIVALENCE CHECKING

When the two sequential models to be tested for equivalence are substantially different, in
particular when they have not been obtained one from the other through well-understood
transformations like retiming or combinational optimizations, one has to resort to a fully general
approach to verification that checks that the outputs of the two models are the same for the same
inputs in all reachable states. In terms of the characteristic function introduced in Section 4.2,
this corresponds to not relying on a guess for @ derived from the structure of the two machines.

Instead, one can take @ such that it holds for all the states, where Vx-A(x,s) =1, that is, @ is the
characteristic functions of all the states of the product machine M, where the outputs of the two
machines M, and M, are identical. Equivalence is established if the initial states are in @ and so
are all the successors of the states in @. In this case, equivalence is an inductive invariant for M.
However, if the check on the successor states fails, the result is inconclusive, because the states
that caused the failure may not be reachable from the initial states of M. In case of failure, the
general approach is to strengthen @, that is, to remove some states from it. The strongest o for
a given M is the characteristic functions of all its reachable states. The weakest @, on the other
hand, that guarantees completeness of the method is the characteristic functions of all the
states of M from which no miscomparing state can be reached. Both these functions can be
computed by reachability analysis as described in Section 4.5.1. It should be noted that this
analysis can be quite expensive for large sequential circuits. Hence, it is sometimes useful to
manually strengthen q.

4.5.1 REACHABILITY ANALYSIS

Reachability analysis computes the states of a sequential machine M that either are reachable
from a set of designated states or from which the designated states are reachable. In equivalence
verification, the states reachable from the initial states form the strongest possible g—the
outputs of M, and M, agree in all reachable states of M = M, x M, if and only if M, is equivalent
to M,. Conversely, the complement of the states from which miscomparing states can be reached
forms the weakest g for which the “if and only if” condition holds. The two cases correspond to
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forward and backward reachability analyses, respectively. We first discuss forward analysis and
then briefly outline the differences.

Forward reachability analysis of a graph can be accomplished by the algorithm of Figure 4.11.
The algorithm receives as input the graph and the set of initial states. It uses two main set
variables: Q, to hold the states to be processed, and R, to hold the states found to be reachable.
At each iteration of the while loop, some unprocessed states are removed from Q, their succes-
sors are computed by function Image, and the states thus found that were not previously reached
are added to both sets. The policy for choosing the states that are extracted from Q determines
the type of search. If only the most recently added state is extracted, then one obtains depth-first
search (DES). Conversely, if only the least recently added states are extracted, the resulting search
is breadth-first search (BES). Other policies are also possible. For hardware verification, the useful-
ness of DES is limited by the state-explosion problem: in most practical examples, there are too
many states, and each state has too many successors for a search that considers each state and
each transition individually.

If all the states in Q are extracted at once, one obtains symbolic BFS, in which states are
reached in an order consistent with their distance from the initial states. In symbolic reachability
analysis, it is customary to represent the sets of states as BDDs. The transitions of the sequen-
tial machine are also represented by a BDD. Image computation, that is, the computation of the
successors of the states in F, can then be performed by BDD operations that do not enumerate
explicitly the states or the transitions. This approach can sometimes deal with huge numbers of
states—in excess of 10'%°. However, this ability depends on the BDDs remaining compact. This, in
turn, depends on the state encoding of M, on the order of the state variables in the BDDs, and, of
course, on the subsets of states that must be represented. Departure from strict BFS processing
[13,47—49] may result in sets of states that have much smaller BDDs; this may considerably speed
up the analysis.

Besides the order of traversal, the specifics of the computation of the successors of a set of
states have profound influence on the performance of the symbolic reachability analysis algo-
rithm. There are two main approaches: one based on recursive case analysis, which normally
employs the transition functions [50], and the other based on conjunction and quantifica-
tion, which employs a properly clustered transition relation [51,52]. The conjunction method
is often faster, mostly because it is more efficient at caching intermediate computations,
but neither is superior; their combination, which increases robustness, is described in [53].
The key problem in the image computation method that relies on conjunction and quantifica-
tion is the order in which the components of the transition relation are combined to obtain
the final result [54,55].

Backward reachability differs from forward reachability in two respects: one is that the
starting states are the miscomparing states instead of the initial states of M and the other is
that the computation of the successors (image computation) is replaced by the computation
of the predecessors of a set of states (preimage computation). There are small differences in
the algorithms used for image and preimage computations, due to the fact that the model of
sequential circuits expresses the next states directly as a function of the present states and
not vice versa.

1 FORWARD_REACHABILITY_ANALYSIS() {

2 initialize Q and R to the initial states

3 while (Q = Q) {

4 let F be nonempty subset of Q

5 Q= Q\F// remove F from Q

6 S = Image(F) // compute successors
7 N = S\R // identity new states

8 Q=QUN//add new states to Q ...
9 R=RUN//...and to R

10 }

11 return R

12 }

FIGURE 4.11 Algorithm for computing forward reachable states.
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Forward reachability analysis is more efficient than backward analysis on some models and
less efficient on others. As an extreme case, consider checking the equivalence of two modulo-#
counters. The algorithm of Figure 4.11 requires # iterations to converge. However, if the two
counters are indeed equivalent, backward analysis converges after one iteration. In fact, in this
example, equivalence is an inductive invariant, in which case backward analysis always
converges in one iteration. Each step of backward reachability corresponds to a strengthening of
the invariant, until it becomes inductive or equivalence is refuted.

4.5.2 DEPENDENT VARIABLES IN REACHABILITY ANALYSIS
Suppose a model contains three state variables s, s,, and s, such that
SI=X S$H=8 S5 =X A8

Suppose that in the initial states, s; = s, = s;. Then it is easy to see that s, = s; A s,1in all reach-
able states. It is, therefore, possible to remove s, from the model and replace any usage of this
variable with s; A s,. The resulting model is typically easier to deal with. We say that s, is a
dependent variable in the given model. In this section, we study on how we can identify depen-
dent variables and on how we can use this knowledge to improve reachability analysis. The
identification and extraction of dependent variables are based on the observation that for a
Boolean function f,

f=(< f)A@s-f) ifandonlyif Vs-f=0

Suppose the set R(s) of the reachable states of a model has been computed. If s, is functionally
dependent on R, then the state variable corresponding to s; can be removed from the model and
replaced by a combinational function of other state variables. The resulting model satisfies the
same properties as the original model. The advantage of removing dependent variables is that the
BDDs are likely to be smaller [56].

For equivalence checking, however, the detection of functional dependencies would be
more profitable if performed during fixpoint computation. In particular, one could extract
dependencies from the set of states P(s) whose image is being computed. The resulting functions
can be used to eliminate the dependent variables from the transition relation used to compute
the successors of the states in P(s).

The problem with this approach is that the overhead required to detect the dependencies can
be substantial. A more practical approach, albeit a less powerful one, concentrates on special
forms of functional dependence, namely, variable equivalence and complementarity. Variables a
and b are equivalent in Boolean function fif f < (a < b). They are complementary in fif f < (ab)
This means that two variables are equivalent (complementary) if they have the same value
(opposite values) in all assignments for which f= 1.

When computing the image of P(s), if 5; is equivalent to s; in P, we can use the same BDD
variable for s;and s; in both P and the transition relation T. If there is just one initial state, then
for the first image computation in reachability analysis only one BDD variable is needed for the
current-state variables. In successive image computations, the number of required BDD variables
will likely increase, but for some circuits, it will remain substantially lower than the number of
state variables. In particular, corresponding register pairs in equivalent circuits will remain
represented by the same variable.

The effectiveness of this approach relies on the ability to compute variable equivalence classes
efficiently. A partition refinement algorithm for reachability analysis based on forward traversal
was implemented in the TiGeR tool in the early 1990s [57] but not published. The main reason
why equivalence detection can be made efficient is that it boils down to comparing Boolean
functions for equivalence or complementarity—operations that are well supported by BDDs.
Later, a method similar to that of TiGeR was discussed by van Eijk [58]; his thesis, in particular,
discusses the identification of equivalent variables before reachability analysis, which is described
in Figure 4.8.
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4.6 NEW DEVELOPMENTS IN 2006-2015

In this section, we discuss new developments in both combinational and SEC during the last
decade, since the first edition of the EDA handbook in 2006.

4.6.1 COMBINATIONAL EQUIVALENCE CHECKING

Technology advances facilitate more sophisticated designs and the role of verification becomes
more important. In particular, combinational equivalence checking plays a crucial role in the
whole implementation process. In order to verify correctness of a design after modification
during some implementation stages, the logical equivalence of the current description and the
design prior to the implementation stages must be ascertained to make sure all of the verified
properties are preserved. If all of the verified properties are preserved, we can therefore save a
significant amount of time and cost in verifying those properties again on the implementation.
This is why equivalence checking can be adopted at many points throughout design flows.
Due to NP-completeness, it is unclear a priori that equivalence checking can be performed
efficiently in practice. Such efficiency is facilitated by a number of implicit properties, such as the
fact that internal equivalent signals are also preserved at the same time during the implemen-
tation process, as proof lemmas, which can help prove that equivalence holds. As a result, the
success of equivalence checking is based on learning the design intent and effectively finding the
design correspondence. Furthermore, state variables after implementation processes are com-
plete and could often be matched such that combinational equivalence checking is feasible to be
used as a sign-off tool to effectively validate the functionality of implementations. We will review
the techniques used to tackle industrial problems from 2006 to 2015.

Over the past decade, the framework of combinational equivalence checking was estab-
lished by pioneering studies [14,59,60], and the role of Boolean reasoning was almost completely
dominated by state-of-the-art SAT solvers [61-65], which effectively deduce the useful corre-
spondences between a design specification and its implementation, as processed by Boolean
optimization. However, the relationships between word-level components (datapath) and their
implementation are difficult to express and deduce by Boolean arithmetic; thus, the equivalence
of implementation with datapath blocks is hard to establish by using conventional Boolean rea-
soning. Several studies use alternative approaches to prove the equivalence between a word-level
specification and its bit-level implementation. Over the past decade, developments in combina-
tional equivalence checking focused not only on demonstrating equivalence but also on dealing
with nonequivalence. From generating the evidence of differences to diagnosing the root cause
for those differences, and going further to generating the patches to the design that will correct
the differences, the direction of nonequivalence analysis has shifted to handle the need for engi-
neering change orders (ECOs). In the following sections, we will first discuss several techniques
that strengthen Boolean reasoning. Second, we will revisit the solutions for tackling equivalence
checking for datapath blocks. Finally, we will review the techniques used in functional correction,
that is, functional ECOs.

As mentioned earlier, the fundamental framework of combinational equivalence checking was
well established by [14,59,60], whose basic concept was to establish internal corresponding equiv-
alences, merge and cut the equivalent nodes as new Boolean variables, and then prove internal
equivalence, iteratively. However, the property of internal equivalence with respect to internal
equivalent cuts may be falsified when the implementation is optimized by using satisfiability
don'’t cares (SDCs) and observability don'’t cares (ODCs).

Figure 4.12 shows an example in which internal equivalence with respect to the equivalent
cuts x, y is false equivalent if x and y cannot be 1 simultaneously, that is, f; (x,, y,) # f,(x,, ¥,) where
(x,, x,) and (y,, y,) are the internal equivalent cuts. Goldberg et al. [59] discussed this problem
and demonstrated that a SAT solver can robustly solve the problem by learning the block SDC
clauses (-x; V =) A (=%, V =9,). In this example, with the SAT conflict analysis on the assign-
ment containing x, = 1 and y, = 1, it may successfully learn the blocking clause (-x; V —y,).
Later, researchers identified effective and efficient algorithms by which a SAT solver can assign
variables and learn the blocking clause with respect to SDC optimization. Chaff [21] proposed
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g is optimized by
. SDC (%A y;) .

FIGURE 4.12 The example that satisfiability don't-care optimization would introduce nonequiva-
lence in local corresponding cones. If x; = x, and y; = y, and x,, ¥, cannot be 1 simultaneously, the
function f,(x,, y) | = £(x,, v,).

the variable state independent decaying sum heuristic, and MiniSat [61] adjusted the quantity
of parameters to assign a variable properly similar to a manual local search on a hotspot region
during conflict analysis. In addition, MiniSat [61] provides an efficient data structure to speed
up Boolean constraint propagation (BCP). Furthermore, thanks to annual software contests in
the SAT community, the state-of-the-art SAT solvers [62—65] have significantly improved, based
on enhancements such as CNF optimization [63] and better decision heuristics [62] to tune the
practical strategies for tacking large sets of benchmarks.

While combinational equivalence checking relied heavily on state-of-the-art SAT solvers,
researchers started to investigate a more useful approach to translate the gate-level imple-
mentation into a CNF formula. Velev [66] proposed a systematic way to translate the CNF by
reducing intermediate variables and avoiding clause explosion. Mishchenko et al. [67] used a
similar idea but a more effective cost-driven approach, borrowing from LUT-based technology
mapping, for speeding up SAT solving. Eliminating unimportant variables in a CNF formula
not only reduces the time for BCP but also improves variable scoring to speed up Boolean
reasoning.

In addition to optimization by SDC, ODC optimization would also destroy internal equiva-
lence, and the most important issue is that the constraints of ODC cannot be encoded by the
conventional CNF translation, which is a one-to-one mapping on gates and variables. Figure 4.13
shows an example where f was optimized by the select signal on output mux s, where the ODC
of fis s = 1 and fis not equal to f". Fu et al. [68] used the extra dont-care variable to encode the
ODC space and translated gate-level netlists into CNF formulae while considering the ODCs.
Although this translation can handle the relation between the implementation optimized by
ODCs, the framework [14] cannot simply adopt ODC equivalence in the flow, and in addition,
the extra variables would make a SAT solver inefficient or require a customized SAT solver [68].
Equivalence checking on a design after ODC optimization still needs further investigation of
both the Boolean reasoning and the corresponding merging framework.

Over the past few years, there have been two approaches, symbolic and signature based, to
improve the effectiveness and capability of combinational equivalence checking in handling
datapath components with aggressive word-level optimizations. Such optimizations are heavily

U

fis optimized by
ODCs =5

FIGURE4.13 The example that observability don't-care optimization would introduce nonequiva-
lence for corresponding nets.
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used by contemporary synthesizers. Although Boolean reasoning is effective in deducing the
correspondence of designs with SDC optimization, it is inefficient in checking the property on
datapaths with word-level optimization. A typical example is to check multiplier equivalence.
A multiplier can be implemented and optimized with different encodings and allows multiple
orderings of addends for implementing the addition circuit. Unfortunately, a BDD cannot con-
struct this function due to memory explosion, and a SAT solver tries to block all the input assign-
ments and thus has problems when deducing equivalence. Therefore, research has tried to resolve
this issue either by investigating the theoretical basis for dealing with the problem completely or
by adopting a sound approach to handle such large designs. Some of the complete methods use
symbolic approaches [7,69-71] in normal form for checking equivalence, but they may encounter
an explosion in their representation. Some of the practical approaches [72,73] identify the logi-
cal decomposition from the specification of a datapath. Although such practical approaches can
handle larger designs, they are incomplete since there are numerous implementations for a given
arithmetic operation. Whether using a symbolic or a signature-based approach, researchers are
looking forward to some new or improved framework that will combine both advantages.

Symbolic approaches prove equivalence by checking that the calculated canonical form is
identical, but they need to avoid BDD explosion while calculating the expression. Therefore, they
encode the Boolean function into a more compact representation than a BDD to express the
integer arithmetic formula. Bryant and Chen [7,69] proposed the *BMD and *PHDD diagrams,
which are decision diagrams specifically extended for representing integer arithmetic. Figure 4.14
shows the representation of a 3 x 3 integer multiplier that has linear complexity compared to
the exponential complexity for a BDD representation. However, their work still encountered the
memory explosion problem while calculating the expression for internal signals of a gate-level
implementation. Pruss et al. [71] encoded Boolean expressions as shown in Table 4.1 and evalu-
ated the formulae by utilizing Grobner basis and polynomial reduction, which can successfully
handle a Montgomery multiplier, not represented compactly in a BDD. Furthermore, Watanabe
etal. [70] used the encoding shown in Table 4.2 and combined it with *BMD to verify a hierarchi-
cal arithmetic circuit, such as a multiplier and an FIR filter.

Signature-based approaches identify the arithmetic decomposition schemes used by contem-
porary synthesizers. They rewrite and handle the most common structures in the gate-level imple-
mentation and perform the same decomposition to enhance internal equivalence. Figure 4.15 shows
the most common components used to decompose an integer multiplier, including the partial
product generator and an addition circuit. Stoffel and Kunz [72] presented a reverse-engineering
technique that focused on learning the structure of addition circuits. Lai et al. [73] presented

FIGURE 4.14 The PHDD* [69] representation about 3 x 3 multiplier.
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TABLE 4.1 Construct to Encode Boolean Network

Logic Type Representation Operation
and(z, a, b) z=ab

or(z, a, b) zZ=a+b+ab

xor(z, a, b) z=a+b

not(z, a) z=a+1

Source: Pruss, T. et al,, Equivalence verification of large Galois field arithmetic circuits using word-level
abstraction via Grobner bases, Design Automation Conference, June 2014, pp. 1-6.

TABLE 4.2 Construct to Encode Boolean Network

Logic Type Representation Operation
and(z, a, b) z=ab

or(z, a, b) z=a+b-ab

xor(z, a, b) z=a+b-2ab

not(z, a) z=1-a

Source: Watanabe, N. et al,, Application of symbolic computer algebra to arithmetic circuit verification,
International Conference on Computer Design, October 2007, pp. 25-32.
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FIGURE 4.15 The common components to compose an integer multiplier, including partial
product generator and adder tree.

a robust algorithm to identify partial products from a constant multiplier. Both approaches are
practical enough to identify a decomposition from the gate-level implementation. However, they
are unable to learn such signatures from an implementation if the datapath components are opti-
mized aggressively via SDC and ODC.

The development of combinational equivalence checking not only focuses on deducing an
equivalence but, as discussed at the beginning of this section, also concentrates on how to handle
nonequivalence in order to support functional ECO processes. In the remainder of this section,
we will discuss the theoretical basis of functional ECOs and the SAT-based solutions developed
in recent years.

The theoretical basis for ECO was established in pioneering work by Lin et al. [74]. The prob-
lem of functional ECO with a single error can be formulated as follows: we assume that the imple-
mentation function is f;: X — Y and a new specification is f,: X — Y. Thus, we need to determine
whether there is some function /4: X — B, also called a patch, which can make the revised imple-
mentation equivalent to the new specification by replacing some internal logic g: X — B in the
implementation. This is shown in the following equation, where f," is the function that includes
gas the extra variable:

fi(X)=fi(g(X),X) and £(X)=fi(h(X)X) 4.6)
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Lin et al. further proved the following:

1. The function % exists iff on and off is a disjunction, where on: X — B: = =(f{'(0, X) = £,(X))
and off: X — B: = =(f/'(1, X) = f,(X)).

2. The function / is some realization for an incompletely specified function with 4, = on
and /1,5 = off.

Lin et al. used the BDD approach to check the existence of a single fix and create the patch. This
approach is not scalable for a large design even with a small patch. Fortunately, Lee et al. [75]
presented a SAT-based solution that solved the conjunction of constraints specifying the onset
and offset in the incompletely specified function. This provided opportunities to perform SAT-
based ECO. Furthermore, Chang et al. [76,77] used diagnosis techniques to efficiently correct bugs
inside the design.

In more detail, Lee et al. [75] used SAT solving to check the functional dependency from the
constraints specifying the onset f{X, Y) and offset g(X, Z). The function & exists, where -/(X)
ASfX, Y) =0and h(X) A g(X, Z) = 0, iff the SAT solver returns unsatisfiable and can generate a
Craig interpolation, the by-product of unsatisfiability, which is one of the realizations of function
h. Combining the SAT-based function realization and the existence condition (4.6) of a patch,
Wu et al. [78] present a SAT-based ECO solution that tackles the limitations on BDD reasoning.
This robust solution can effectively find the single error and fix it. However, the fixable condition
(4.6) is only valid for the single error problem. Tang et al. [79] extended the existence condition to
amultiple error model and generated the patch by checking the validation of a quantified Boolean
formula instead of SAT solving. Although Wu [78] and Tang [79] proposed robust solutions to
resolve design changes, the success of ECO is determined by the quality and the size of the patch.
However, the McMillian and Pudlak interpolation generated from a resolution graph is hard to
control; the interpolant is often unlikely to be a valid patch due to size and timing violations.
In recent years, studies such as by Chockler et al. [80] and Petkovska et al. [81] tried to control
the size of interpolation, and we are looking forward to more research to generate minimal and
predictable patches for ECO.

4.6.2 SEQUENTIAL EQUIVALENCE CHECKING

In the 2006—2015 period, the use of SEC has shifted from comparing RTL versus transistor
level to RTL versus RTL. New synthesis flows made RTL versus transistor level more suitable
for combinational equivalence checking, where only small parts of the current design RTL are
manually customized or modified and thus require SEC.

On the other hand, new design practices such as clock gating and low power design create
layered RTL where the first layer defines the design functionality and additional layers define
additional control for saving power without changing functionality. Layered RTL is naturally
checked with SEC where the basic functionality is checked by comparing two versions of the
design: one without the additional layers and the other with the additional layers. In most cases,
the additional control logic acts at the block level, which enables using formal methods.

The progress of SEC in the 2006—2015 period has been twofold. On the one hand, SAT solvers
made the core reachability analysis much more powerful, and on the other hand, higher level
methodologies such as decomposition and alignability have matured and become integral parts
of industrial tools. In the following sections, we will review both.

46.2.1 SAT-BASED REACHABILITY ANALYSIS

The heart of SEC is reachability analysis, and a breakthrough in this field was essential to make
sequential equivalence practical on industrial designs. In Section 4.5.1, reachability analysis
was discussed using BDDs. Moving from BDDs to SAT-based reachability analysis created the
breakthrough.

Recall that reachability analysis is a procedure that takes as inputs a FSM, a set of initial state,
and a set of erroneous states and decides whether there is a trace from the set of initial states to
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the set of erroneous states. The building block of SAT-based reachability analysis is an algorithm
that looks for a trace of a specific size with specific properties in the design FSM. Let V = vy, ...v,
be the state variables of the design, which encode the states of S. Let §,9;...5, be the next-state
functions for the variables of V. For a given trace length &, the algorithm makes k copies of the
design’s variables:

0 1 k-1
0

0 0. 11 k-1 k-1
VoV1...VyVoV1 ...V, ...V, 1 .

oV,

and then it creates a SAT formula of the form
Ao AS8 (v =8t vt

Every assignment to

0, 11 1 k-1
0

v ek vk kR R

ViV,

that satisfies the SAT formula p(k) represents a trace s°!...s*! such that for every 0 < i < k, the
assignment to vivi... vl encodes the state si.

An immediate usage for the trace formula is bounded model checking [16]. Assume that
I(vyv,...v,) is a predicate over the variables of the design that define its initial state and E(vyv;...v,)
is a predicate defining the erroneous states in the design that violate some desired property. Then,
the formula p(k) A I(ngf . vS) A E(Vg’lvlk’l . .V’,f’l) is satisfiable if and only if there exists a trace
of length & in the design, which starts at an initial state and terminates at an erroneous state.
Bounded model checking does a partial proof in the sense that it checks if there is a trace from
initial to erroneous state of length smaller or equal to k. However, it does not provide a full
proof, in which the trace’s length is not bounded. Bounded model checking is useful for bug
hunting, that is, showing that an erroneous state is reachable from an initial state. However, it is
not very useful for proving that a property holds in a design, because in the general case, such a
proof requires performing the bounded satisfiability check for exponentially many bounds. Since
the reachability analysis problem is PSPACE (polynomial space) complete [82] in the number of
design variables, we do not expect a polynomial reduction to SAT.

Nevertheless, there are a few algorithms that use trace formulae for full proof. Although these
algorithms create exponential SAT formulae in the worst case, they often need small polynomial
SAT formulae in practice. The most common algorithms for full proof are listed here:

1. Induction [83]: In k induction, two trace formulae are tested for satisfiabil-
ity—the first is the induction base and is the same as bounded model checking,

p(k)/\1(1/81/?...VS)AE(Vé"lvf‘l...vf"l ) The second formula is the induction step and

is of the form p(k)/\ E(Vg’lvf’l...V’,j’l)/\notE(Vg vf...vﬂ)/\notE(V(l)Vll...v,l,)/\.../\notE

(Vé’zvf’z...vf’z)/\L[(vovl...vk’l ), where the U predicate requires that the encoded

states s%s'...s*"! are pairwise different. An unsatisfiable induction step implies that there
is no trace that contains k — 1 nonerroneous states and ends with an erroneous state.
Proving that both formulae are unsatisfiable for some k implies that there is no trace
from an initial state to an erroneous state. To see that, consider a trace from an initial
state to an erroneous state. If the trace is shorter than k, then it satisfies the induction
base. Otherwise, the first k states are nonerroneous and so there is an interval of the
trace that satisfies the induction step. Note that the uniqueness predicate is not needed
for the soundness of the algorithm but only for its completeness.

2. Interpolation [84]: In interpolation, a proof that there is no trace of length & from the
initial state to an erroneous state is used to create a SAT formula over vovy...v0 that
encodes an overapproximation of the set of states reachable from the initial state in k steps.
This approximation replaces I(nglo...v,?) in the next bounded search, which checks
states with distance up to 2k steps from the initial state. This procedure of computing
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a bounded trace and an overapproximation is repeated until either an erroneous state
is found or the overapproximation reaches a fixpoint. This technique is sound; however,
since it uses overapproximation, it may find spurious traces to erroneous states. When
a spurious trace is found, the overapproximation needs to be refined and this is done by
increasing k and rerunning.

3. IC3 [85]: The algorithm searches for an inductive property P such that the states that
satisfy P are not erroneous. A property P is inductive with respect to M = (X,Y;S,S,8,A) if
S, satisfies P and @ = P(vgvf .. .vf})/\(
isfiable. That is, Pis closed under 8. The algorithm starts its search at P = {s:s is not erroneous}
and strengthens it iteratively using transitions from a state that satisfies P to a state that
does not, that is, an assignment to @. Finding such an inductive P implies that there is no
trace from the initial state to an erroneous state.

1 0.0 1.1 1 .
Ao Vi :8i(vov1 ...vg))/\notp(vovl...v,,) is unsat-

4.6.2.2 DECOMPOSITION AS A WAY TO REDUCE COMPLEXITY

Applying SEC to big designs with hundreds of thousands of flip-flops requires methods to avoid
state explosion. The most common method to achieve thisis decomposition. For two designs D, and
D, and their respective Mealy machines M, = (X}, ¥}, S}, S, 81, &) and M, = (X, Y5, S5, Sgpr 855 M),
the decision whether D, is sequentially equivalent to D, (D, = D,) is done in two steps:

1. Decompose
D, =D{D?... D and D, = D;D? ... Dy into n slices(M; = MiME ... My and M, = MaM3 ... M},
2. Prove for every pair D! and Di that Dj = D} (M{ = Mé)

In contrast to combinational equivalency discussed in Section 4.4, the slices here are sequen-
tial and include state variables like flip-flops and latches. In most cases, the time T(D; = D,) of

checking (D, = D,) is substantially greater than Zn T(D{ = Dé)

i=0
Note that when a circuit is decomposed as M = M°M?, some of the internal signals become
inputs and outputs of the slices. Formally, for

M =(22,91,50,80,80,01 ) and M? =(%,32,55,502,82,41 )

the composition M = M'°M? is

M =(x1\yz U \y1 JQU&:«SH % S5,Sn X502:5,7h)

where

3(,(s1,52 )) = (81 ((xl,M (x2,32)),sl),82 ((xz,kl (xl,sl)),sz))
and k(x,(sl,sz )) = (kl ((xl,Kz (xz,sz)),sl),Kz ((xz,M (xl,sl)),sg ))

The composition of A is valid only when no combinational loops are created in the composition.
A composition M = MM?°...°M" is defined iteratively as (M = M*°M?)°...)°M").

For example, consider the design in Figure 4.16. On the left, the composed design is shown
with inputs {in}, outputs {0}, and state-holding registers {c0, c1, g0, g1}. On the right, a decomposi-
tion into subcomponents M!, M? is shown, where the inputs, outputs, and registers for M* are {in},
{c0, 1}, and {c0, c1}, respectively, and M*{c0, c1}, {0}, {g0, g1}. Each FSM is shown below its respec-
tive design. The output function for M is A(in, 0, c1, 40, q1) = g0 D g1, M, A(in, 0, c1) = (cO, cl);
and M2, \,(q0, q1) = g0D q1.
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How useful a decompositional algorithm is depends on the existence of a good partition,
which reduces the equivalence checking to small enough pairs that can be handled by formal
techniques. While in theory there is no guarantee that such a partition exists, in practice it
often does. Even when a good partition exists, finding it is a challenge. This is usually done
by mapping pairs of signals in the designs that are supposed to behave in the same way. Then
the mapped signal can be split into two parts. The mapping can be performed automatically,
based on signal name or circuit structure, or semiautomatically, where the user gives hints
to the tool about possible mapping points. In most cases, compositional algorithms are adap-
tive. If a slice pair is too hard for the formal reachability engine, the algorithm tries to further
partition it. If some slice pair is found to be not equal, then an analysis needs to select one of
the following cases:

1. The whole designs are not equal, and a counterexample should be issued.

2. The partitioning is inadequate and needs to be coarser.

3. The partitioning is adequate, but some environment constraints are missing and need to
be added.

For example, consider Figure 4.17, where two equal designs are compared. The implementation
design is similar to the one in Figure 4.16, but the specification model differs at the output
function A(in, 0, cl, 0, g1) = g0 + q1. The partition is similar to the one in Figure 4.16. M, and
M are the same and proved equal. However, M and M/ differ when (40, 41) = 3, A(3) =0, and
A:(3)=1. This is a spurious counterexample because the counter on the left-hand side counts
only up to 2, which makes the state (g0, g1) = 3 unreachable. Therefore, to complete the proof,
an assumption (c0, c1) < 2 must be added.

4.6.2.3 ALIGNABILITY

Decomposition helps designing and verifying different components of the design locally, some-
times at different design sites at different times in the overall design and verification process.
However, while reachability can be done locally, an initial state is global to the whole integra-
tion of the design and is usually constructed at integration time. The initial state of the design is
represented by an assignment to the design’s variables set by the reset sequence. Since the reset
sequence is applied to the inputs of the integrated components, it needs to propagate through
the design until it reaches all the components. Thus, a component may be verified with one reset
sequence but operates with a different reset sequence when integrated into the whole design.
Alignability is a condition under which SEC is independent of the reset sequence.

A reset sequence is a sequence of input assignments that takes a design from an arbitrary state
to a single specific state. For a reset sequence o, M(ar) = (X,¥;S,a, §,)) is the Mealy machine, where
the initial state is the state set by a. This is the initial state from which the reachability analysis
is done. In [86], the following observation was made: Let M,, M, be designs and let «, } be two
different reset sequences. Then, M (x) = M;(w) iff M () = M,(p).

To understand this observation, recall that two designs are equivalent from a pair of initial
states (s, So;) if for every sequence of inputs they produce the same sequence of outputs. If we
suppose that this is true from the initial states resulting from applying a, then in particular it is
true for every input sequence prefixed by . Since p takes the designs to its initial states, every
sequence of inputs produces the equal sequences of outputs from s initial states as well.

The observation made by [86] suggests the following flow for verifying given components
M, M;:

1. Find an arbitrary reset sequence o for M, M,.
2. Prove M (o) = M;(wv).

This flow ignores the real reset sequence that will be used for the design. While this seems a
useful flow, it must be integrated with the compositional flow to become practical. However, in
[87], it was shown that a simple integration of the two flows is not sound. Thus, there are some
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limitations on the reset sequence and on the assumptions that allow this integration. The con-
ditions are as follows:

1. The reset sequence must be X initializing.
. . I . .
2. Assumptions used in the proof of subcomponents M= M/ must be on the inputs of M/
and M/ and not on internal signals.

X arithmetic (also known as three-value logic [88]) is an extension of Boolean arithmetic over
{0, 1, x}, where x represents the unknown value. The truth tables of the basic operators AND,
OR, and NOT are shown in Figure 4.18. This logic can be extended to any Boolean function
using the basic operators, in particular to the next-state function 8 and the output function A.
A reset sequence made of {0, 1} assignments to a design M is X initializing for M, if it brings
M from a state where all state-holding variables have value x to a state where no state variable
has value .

Every X-initializing sequence is a reset sequence, that is, it brings the design to a specific
single state, regardless of its previous state. However, the opposite does not hold. In fact, some
designs admit reset sequences but no X-initializing sequences. For example, consider Figure 4.19,
where the “counter modulo 3” component is enhanced with a reset signal, which, when asserted,
increases the counter until it reaches 0. The state machine with reset asserted is on the left-hand
side of the figure. Note that the state machine includes the “3” state, which is unreachable from
the initial state.

A reset sequence that asserts the reset signal for two cycles brings the counter to state 0.
However, there is no X-initializing sequence for the design.

:D—-OIX:D-OIX_‘>O_

0 0 010 0 0 1 0 1
1 0 1 | X 1 1 1 1 1 0
X |0 X | X X | X 1 X X | X

counter mod 3

In cl

: )
) ) = pQf——

FIGURE 4.19 Extending the counter with reset.
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4.7 SUMMARY

In this chapter, we have examined the role of equivalence checking in the design cycle, and we
have reviewed the major approaches and techniques applied to this problem. Highly efficient
algorithms have been developed for combinational equivalence checking; they rely on struc-
tural analysis and on sophisticated decision procedures that can establish the satisfiability of
large propositional formulae. Since SEC is a much less tractable problem, every effort is made to
reduce it to combinational equivalence by constraining the design methodology and by applying
algorithms that deal with unknown register correspondence and retiming. Equivalence check-
ing based on combinational techniques has become an integral part of most design flows and
can deal with large-scale designs. In the general case, however, one must analyze the so-called
product machine to determine whether miscomparing states are reachable from the initial states.
Techniques for this task are based on reachability analysis. Although capacity is a significant
concern whenever such an analysis is undertaken, symbolic algorithms can deal with circuits
with hundreds of state variables and can therefore be applied to blocks of a design that have
undergone deep transformations.

The update sections have covered the major changes in combinational and SEC over the
decade since the first edition of the EDA handbook in 2006.
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5.1 INTRODUCTION: PLACEMENT PROBLEM AND CONTEXTS

Placement is an essential step in the physical design flow since it assigns exact locations for
various circuit components within the chip’s core area. An inferior placement assignment will
not only affect the chip’s performance but might also make it nonmanufacturable by produc-
ing excessive wirelength, which is beyond available routing resources. Consequently, a placer
must perform the assignment while optimizing a number of objectives to ensure that a circuit
meets its performance demands. Typical placement objectives include total wirelength, timing,
congestion, and power. In this chapter, we survey the main algorithmic methods used in state-
of-the-art placers.

Figure 5.1 shows the position of placement within the EDA design flow. A placer takes a given
synthesized circuit netlist together with a technology library and produces a valid placement
layout. The layout is optimized according to the aforementioned objectives and ready for cell
resizing and buffering—a step essential for timing and signal integrity satisfaction. Clock-tree
synthesis and routing follow completing the physical design process. In many cases, the entire
physical design flow or parts of it are iterated a number of times until timing closure is achieved.

A circuit netlist is composed of a number of components and a number of nets representing
the required electrical connectivity between the various components, where a net connects two
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FIGURE 5.1 Placement position in a physical design flow.
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or more components. In the case of application specific integrated circuits (ASIC), the chip’s core
layout area is comprised of a number of fixed height rows, with either some or no space between
them. Each row consists of a number of sites which can be occupied by the circuit components.
A free site is a site that is not occupied by any component. Circuit components are either standard
cells, macro blocks, or 1/0 pads.* Standard cells have a fixed height equal to a row’s height, but
have variable widths. The width of a cell is an integral number of sites. On the other hand, blocks
are typically larger than cells and have variable heights that can stretch a multiple number of rows.
Figure 5.2 gives a view of a typical placement layout. Blocks can have preassigned locations—say
from a previous floorplanning process—which limit the placer’s task to assigning locations for
just the cells. In this case, the blocks are typically referred to by fixed blocks. Alternatively, some
or all of the blocks may not have preassigned locations. In this case, they have to be placed with
the cells in what is commonly referred to as mixed-mode placement.

In addition to ASICs, placement retains its prime importance in gate array structures such as
field programmable gate arrays (FPGAs). In FPGAs, placement maps the circuit’s subcircuits into
programmable FPGA logic blocks in a manner that guarantees the completion of the subsequent
stage of routing.

The major placement objectives can be summarized as follows:

B Wirelength: Minimizing the total wirelength, or just wirelength, is the primary objective
of most existing placers. This is no surprise given that the wirelength must be less than
the limited total routing supply of the chip, and that power and delay are proportional
to the wirelength and wirelength square, respectively. Consequently, minimizing the
wirelength improves the chip’s performance. Wirelength is measured by the sum of mini-
mum Steiner tree costs of the various nets, where the Steiner tree cost of a given point
set is the minimum cost, or length, of a tree that spans all the given points as well as any
subset of additional points (Steiner points) [1]. Routed wirelength is typically slightly
larger than the Steiner tree cost since contention on routing resources by different
nets might lead to detours, eventually increasing the wirelength. Given that the Steiner
tree problem is NP-hard, placers typically minimize and report other metrics that are

* We will refer to standard cells by just cells and macro blocks by just blocks.
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faster and easier to compute. These include half-perimeter wirelength (HPWL) and
minimum spanning tree (MST). Half-perimeter wirelength is half the perimeter of the
smallest bounding box enclosing a given net’s components. Half-perimeter wirelength
is equivalent to the Steiner minimum tree cost for two- and three-pin nets, and is well-
correlated for multi-pin ( >4) nets [2]. Minimum spanning tree is also equivalent to the
Steiner minimium tree cost for two- and three-pin nets, and within a constant factor for
multi-pin ( >4) nets [1].

B Timing: The clock cycle of a chip is determined by the delay of its longest path, usually
referred to as the critical path. Given a performance specification, a placer must ensure
that no path exists with delay exceeding the maximum specified delay. Any delay in
excess over such specified value is considered negative slack, and timing-driven placers
must minimize the worst negative slack and the total negative slack to meet perfor-
mance requirements.

® Congestion: While it is necessary to minimize the total wirelength to meet the total
routing resources, it is also necessary to meet the routing resources within various
local regions of the chip’s core area. A congested region might lead to excessive routing
detours. Such detours can ultimately lead to excessive increase in wirelength, adversely
impacting both timing and power.

B Power: With increasing clock frequencies and demand for battery-powered mobile
devices, minimizing power is becoming an increasingly important objective. Power
minimization typically involves distributing the locations of cell components so as to
reduce the overall power consumption, alleviate hot spots, and smooth temperature
gradients.

Another secondary objective is placement runtime minimization. For a given netlist,
placement is a one-time effort, and consequently it is usually tolerable to have increased runtimes
if this has a positive impact on the placement quality. However, for state-of-the-art designs with
multimillion components, placement can take a few days, which is deemed unacceptable for fast
prototyping or in timing-closure iterations. For such cases, it is important to seek methods that
minimize the total placement runtime with little or no impact to the placement quality.

Given that placement is one of the oldest and first problems in EDA, placement has a rich
history of solutions. More than four decades ago, Steinberg [3] considered placement of circuit
components on a back board such that the total wirelength is minimized. Steinberg solution
starts with an initial placement, obtained say via random placement. Steinberg then selects an
independent set of components, that is, a set of components that do not share any connections,
and optimally reembeds these components within their pool of locations via optimal linear
assignment (OLA). The process of selection and optimal reembedding is iterated until no further
improvement in solution quality is possible.

Analytical techniques approximate the wirelength objective using quadratic [4—8] or nonlinear
formulations [9-12]. The first proposal to use such methods is due to Hall [4], where he sug-
gested minimizing the squared length and devised an eigenvalue approach to solve the problem.
Since that point, the central problems in analytical techniques are how to better approximate
the wirelength objective, how to numerically solve the nonlinear objective and how to spread out
the components that typically heavily overlap in analytical solutions. Approaches for solving the
nonlinear objectives include sparse matrix and conjugate-gradient (CG) methods. Cell-spreading
techniques include the use of partitioners in top-down frameworks [5,6,13], network flows [7], or
additional repelling forces [8,14].

The advent of min-cut partitioners [15] paved the way to the introduction of min-cut
placers [16]. The introduction of a linear-time min-cut partitioning heuristic by Fiduccia and
Mattheyses [17] and terminal propagation mechanisms [18] further bolstered min-cut placement
as an attractive solution. Finally, development of multilevel hypergraph partitioners [19] has
initiated a revival in min-cut placement [20-22].

Another thread of placement techniques started with the proposal of simulated annealing as
a general combinatorial optimization technique [23]. As a matter of fact, placement along with
the Traveling Salesman Problem were the original two problems experimented by Kirkpatrick
and Vecchi [23]. Simulated annealing was quickly adopted as a leading technique in placement
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[24,25], with methods such as clustering used to improve its execution time [26]. Simulated
annealing can also be used with other placement methods such as min-cut to improve their
performance [21].

Placement approaches typically differentiate between a global placement phase and a detailed
placement phase. At the beginning of the global phase, all cells belong to one rectangular bin that
spans the entire chip’s core area. As global placement proceeds, cells are spread over the chip’s
core area into a number of smaller bins. By the end of this phase, each bin will typically contain
few cells. In detailed placement, cells are assigned exact locations and all overlaps are removed.

In this chapter, we will a give a brief survey of the various placement approaches. We describe
global placement algorithms in Section 5.2, detailed placement algorithms in Section 5.3, and
recent (as of 2006) placement trends in Section 5.4. Section 5.5 gives a brief of view of state-
of-the-art academic and industrial placers, and Section 5.6 summarizes this chapter content.

5.2 GLOBAL PLACEMENT

The goal of global placement is to find a well-spread, ideally with no overlaps, placement for
the given netlist that attains required objectives such as wirelength minimization or
timing specifications. Formally, a circuit netlist is represented as a hypergraph H = (V] E),
where V = {v,,v,,...,v,} is the set of nodes with each node representing a circuit component, and
E = {e,e,,...,e,} is the set of hyperedges corresponding to the nets, where a hyperedge e, € E is
a subset of nodes. Traditionally placers are HPWL driven with the main objective to minimize

(5.1) z= E (maxxj—minx,«+maxy,—miny,)
~ vjee vjee vjce; vjee
€€

where x; and y; are the vertical and horizontal coordinates of a node v;, and such that all nodes
are placed on sites with no overlaps. Fundamentally, z is the HPWL sum of all hyperedges.
The placement problem is NP-hard [27], and solutions for the problem rely on heuristics to
achieve this objective suboptimally. In this section we survey some of the algorithmic solutions
to global placement. Specifically, we describe (1) min-cut placers, (2) simulated-annealing placers,
and (3) analytical placers. We also survey some of the main techniques to handle other objectives

such as timing, congestion, and placement runtime.

5.2.1 MIN-CUT PLACERS

Min-cut placers operate in a top-down hierarchical fashion by recursively partitioning a given
netlist into 2% k > 1, partitions. When k > 1, partitioning is commonly referred to as multiway
partitioning. In the case k = 1, partitioning is called bisection, and when k = 2, partitioning is
called quadrisection. In addition to netlist partitioning, the placer also recursively divides the
layout area into a number of bins, and assigns each of the netlist partitions into one of the bins.
Min-cut placement is essentially a top-down refinement process, where each bin gets divided
into two or four smaller bins with fewer number of cells. Bin dividing is achieved through either
a horizontal or a vertical cut in case of bisection [16], or through simultaneous horizontal and
vertical cuts in case of quadrisection [28]. Thus the outcome of recursive bin division is a slicing
floorplan as illustrated in Figure 5.3. The process of partitioning and dividing all bins exactly once
is called placement level. Placement levels created by simultaneous netlist partitioning and bin
division continue until each bin has a few cells, beyond which detailed placers are used to assign
final locations for all nodes within their corresponding bins [20,21,29].

The key concerns of min-cut placement are as follows. How to partition a netlist?, and into
how many partitions, for example, bisection or quadrisection? Given a bin, should it be divided
horizontally or vertically in case of bisection? Finally, how to capture the global netlist connec-
tivity information when partitioning local netlist instances inside the bins. We tackle each of the
aforementioned concerns in the next subsections.
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5.211 MIN-CUT PARTITIONERS

Given a number of netlist partitions, a hyperedge is considered cut if its nodes span or reside in
more than one partition. The k-way min-cut partitioning problem is defined as follows. Given a
hypergraph with an associated cost to each hyperedge, partition the nodes of the hypergraph
into balanced 2% subsets while minimizing the total cost of cut hyperedges. Subset balancing
is achieved by imposing the constraint that no subset exceeds a given maximum size bound.
The min-cut partitioning problem is NP-hard [1].

Kernighan and Lin [15] suggested the first heuristic solution (KL) to this problem within the
context of graph partitioning. Assuming k = 1, the KL algorithm starts with a random initial
balanced partitioning. For each pair of nodes—a pair is comprised of a node from each par-
tition—the algorithm calculates the pair’s score, or impact on cut size if the pair is swapped.
The pair with the largest score or equivalently largest reduction in cut cost is identified, swapped,
and locked to be prevented from any future swapping. Furthermore, their score is entered in a
record and the swap score of their neighbors is updated. This process of identifying the best pair
to swap, swapping the pair, locking, recording, and updating the neighbors’ score is repeated until
all pairs of cells are exchanged, essentially yielding the original partitioning. Using the record, the
KL algorithm then executes the sequence of swaps that yields the overall minimum cut cost and
unlocks all nodes. This constitutes a KL iteration. The KL algorithm keeps on iterating until an
iteration causes no further reduction in cut size. At this point the algorithm stops.

The KL algorithm suffers from large runtimes due to the need to calculate and update the
scores of all pairs of nodes. To overcome these limitations, Fiduccia and Mattheyses proposed a
linear time heuristic (FM) based on the KL algorithm [17]. The key differences between the FM
and KL algorithms are (1) moves instead of swaps are only considered, (2) hyperedge handling,
and (3) a bucket data structure that allows a total update of move scores in linear time.

Despite the improvement in runtime of the FM heuristic in comparison to the KL heuristic,
the performance of the FM heuristic, as measured by the cut cost, typically tends to degrade as
the problem size increases. To address this problem, modern min-cut partitioners use the FM
heuristic in a multilevel framework [19,30], where clustering or coarsening is used to reduce the
size of a given flat hypergraph. A given hypergraph H, is coarsened k times until a hypergraph
H, of suitable size is attained as shown in Figure 5.4. The FM partitioner is then executed on H,.
Instead of projecting the partitioning results of H, directly back to H, the unclustering is carried
out in a controlled refined fashion, where the results of H, are projected to H,_; and followed by
refinement using the FM partitioner. The process of uncoarsening and refinement is repeated
until the original flat hypergraph H, is obtained.
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FIGURE 5.4 Coarsening and uncoarsening in a multilevel framework.

In many cases a bin capacity is larger than the total cell area that belongs to it, thus creating
an amount of freespace. Freespace can be distributed by the partitioner to ensure “smooth” par-
titioning by allowing tolerances in the specified partition sizes [20,31]. In addition, distributing
freespace in a uniform hierarchical manner ensures smooth partitioning till the late placement
levels, which results in a reduced amount of final overlaps. The issue of freespace distribution
will be further investigated in Section 5.4.2.

5.21.2 CUT SEQUENCES

Another important ingredient in min-cut placement is the cut direction. In the case of quadrisec-
tion, cut direction selection is trivial; each bin will be simultaneously divided with both a vertical
and a horizontal cut [28]. In case of bisection, a cut sequence has to be determined. An alternat-
ing sequence that strictly alternates between horizontal and vertical cuts is a favorite choice [16].
However, recent (as of 2006) approaches [20,32] suggest selecting a direction based on the bin’s
aspect ratio. For example, if the height of a bin exceeds its width by a certain ratio then division
is carried out horizontally. Such selection is typically justified by wirelength estimates which
exhibit an increase if the wrong division direction is chosen.

When comparing multiway partitioning, for example, quadrisection, to bisection, we find
out that (1) multiway partitioning fixes the shape of the partitions in contrast to bisection which
allows more flexible outlines, and furthermore (2) the added computational complexity of mul-
tiway partitioning does not seem to translate to improvements in cut values in comparison to
recursive bisection [33].

Another important consideration is whether to allow horizontal cuts that are only aligned
with row boundaries or allow “fractional” horizontal cuts that run through the rows [34].
The latter approach might improve placement results but requires an extra effort from the
detailed placer to snap the cells to the rows.

5.2.1.3 CAPTURING GLOBAL CONNECTIVITY

While a partitioner might deliver partitions with close to minimum cut costs, this result might
not translate to total placement HPWL minimization if each bin is partitioned locally and in iso-
lation of other bin results. Thus it is essential to capture global connectivity while partitioning a
particular local bin instance. Terminal propagation [18,35] is a mechanism through which con-
nectivity between cells residing in different bins is propagated into local partitioning instances.
With terminal propagation, nodes external to a bin being partitioned are propagated as fixed
terminals (nodes) to the bin. These terminals bias the partitioner toward placing movable nodes
close to their terminals, reducing the overall placement wirelength. Given a bin being partitioned
into two child bins and an external node connected to the cells of this bin, it is critical to deter-
mine which child bin the node will be propagated to. This is determined according to the dis-
tance between the node’s position and the centers of the two new child bins as illustrated by the
following example.
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Example 5.1

Assume a bin B being partitioned into child bins U/ and L as shown in Figure 5.5. Given a
number of external nodes a, b, ¢, and d that are connected to nodes in block B via a number
of nets, it is necessary to determine to which block, U or L, where these nodes should propa-
gate. The distances between each cell location and the centers of U/ and L are calculated,
and each cell is propagated to the closest bin. For example, node a propagates to U; node b
is not propagated, or propagated to both bins, since it is equally close to both U and L; node
¢ is propagated to L; and node d is propagated to L.

Another possible terminal propagation case occurs when the nodes of a net are propagated
as terminal to both child bins. In this case, the net will be cut anyway, and consequently it
is labeled inessential and ignored during partitioning [35].

Since the partitioning results of one bin affect the terminal propagation decisions of
that bin cells to other bins, a placement level result depends on the order of bin process-
ing. Furthermore, there might exist cyclic dependencies between the different bins [36,37].
For example, one bin B, results might affect another bin B; results, with B, results affecting
B, results in turn. To improve placement results and alleviate these effects, a number of
approaches suggest iterating the partitioning process of a placement level until a certain
stopping criterion is satisfied [36,37]. It is also possible to use a sliding window as shown in
Figure 5.6, where at each position of the sliding window, the bins that underlie the window
are merged and repartitioned [33]. Since the window positions overlap in their movement,
it is possible to move cells out of their assigned bins to improve wirelength.

It is also possible to capture global connectivity in a more direct manner by driving
the partitioner to improve the global exact HPWL or MST objective [36,38]. In this case,
the score of moving a node across a partitioning line is the exact amount of reduction in
placement HPWL due to such a move. These exact approaches, however, incur an increased
amount of runtime and are not typically used in practice.

5.2.2 SIMULATED ANNEALING-BASED PLACERS

Simulated annealing is a successful generic combinatorial optimization technique that has its
origins in statistical mechanics [23]. Given a combinatorial optimization problem, simulated
annealing starts from an initial configuration, and iteratively moves to new configurations until
some stopping criterion is satisfied. In each iteration, a random transition from the current
configuration to a new configuration is generated. If the new configuration yields an improve-
ment in the cost function or the objective being optimized then the transition is accepted;
otherwise the transition is probabilistically rejected, where the rejection probability increases
as iterations unfold. The ability to transit to new configurations with worse cost value allows
simulated annealing to escape local minima, and is the essential ingredient to its success.

u i <__@
________ B - (?_@

FIGURE5.5 Terminal propagation. Bin Bis being partioned into two bins Uand L. Cell ais propagated
to U. Cell bis not propagated at all. Cell cis propagated to L. Cell d is propagated to L.
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In placement, a new configuration can be generated by either (1) displacing a cell to a new
location, (2) swapping two cells, or (3) changing a cell orientation [24,25]. If the change in cost
function, AC, due to a transition from the current configuration to a new configuration is greater
than or equal to zero, that is, deteriorating a minimization objective, then the rejection probabil-
ity is given by 1 — e~YD), where T, commonly referred to as the temperature, is a parameter that
controls the rejection probability. To control the value of T, a cooling scheduling is set up, where
T is initially set to a high value and then gradually decreased so that transitions to configurations
of worse cost value are less likely. At the end of simulated annealing, T = 0, and the algorithm
reduces to a greedy improvement iterator which stops when there is no possible further improve-
ment in the solution.

To obtain solutions with good cost values, the cooling scheduling has to be slow. Consequently,
simulated annealing typically suffers from excessive runtimes. To improve the runtime, it is
possible to cluster or condense the netlist before the start of the simulated annealing process [26].
A three-stage approach to solve the placement problem can be as follows: (1) the netlist is
condensed by clustering into a suitable size, (2) simulated annealing is applied on the condensed
netlist, and (3) the netlist is unclustered and simulated annealing is applied on the flattened
netlist for refinement.

Simulated annealing can be also used in combination with other placement techniques as an
improvement operator. For example, the min-cut placer Dragon [21] uses simulated annealing to
improve its results.

5.2.3 ANALYTICAL PLACERS

Since their introduction more than three decades ago [4], analytical methods have become one of
the most successful techniques in solving the placement problem. This success can be attributed
to a number of factors including: (1) the ability to capture mathematically the placement problem
in a concise set of equations; (2) the availability of efficient numerical solvers that are able to solve
the mathematical formulation in practical runtimes; and (3) the possibility to include analytical
solvers within top-down frameworks to produce quality solutions. In this subsection, we survey
the major analytical approaches suggested to solve the placement problem.
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FIGURE 5.7 Net models are used to convert hyperedges into two-pin edges using either cliques
or stars.

Most analytical placers typically start by converting a given hypergraph to a graph. Such
conversion allows a more convenient mathematical formulation. A k-pin hyperedge can be
converted into a k clique or a k + 1 star using weighted two-pin edges as shown in Figure 5.7.
The problem of total HPWL minimization of a graph can be formulated as follows.

Given n objects, let ¢; denote the number, or weight, of connections between a pair of nodes v,
and v;. The placement problem can be solved by minimizing the following equation:

1
(5.2) z =§ZZcﬁ(lxi—x1 |+15i-9,1)
i=1 j=1

under the constraint that no cells overlap. Since the absolute distance |x—x]| + |y~ in
Equation 5.2 is mathematically inconvenient, it is possible to approximate it by a number of
methods. A possible approximation is to replace it by a quadratic term that leads to minimizing
the following objective:

(5.3) 2= > > ai((xi=,) + (-9,

i=1 j=1

which minimizes the total squared edge length measured in Euclidean geometry. z, is a continu-
ously differentiable convex function and thus can be minimized by equating its derivative to zero,
which reduces to solving a system of linear equations. The approximation of the linear objective
by a quadratic one will likely lead to an increase in the total wirelength. As a better approxima-
tion, it is possible to use the following objective:

(5.4) —ZZ {M x/| |yl ] ZZC” : ()’t—AJ’i)

=1 j=1 i=1 j=1 Xij yij

where x; =|x; —x; | and y Yy =| y; — y;| as proposed in the GORDIANL placer [39]. Since numerical
solvers typically operate in an iterative manner, it is possible to incoporate x; and y, by calculating
their values from the results of one iteration and using them as constants in the next iteration. A
recent (as of 2006) approximation proposed by Naylor [12] and advocated by Kahng and Wang
[11] in their APlace placer, skips the hypergraph to graph conversion step and directly approxi-
mates Equation 5.1 as follows:

(5.5) ZA=OLZ In Zex’“‘ +In Ze"“/’“ +In Zey//a +In ze—y//a

e eE vjee vjee; vjee; vjee;
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FIGURE 5.8 Results of analytical solvers are typically overlapping as shown by this 400 cell exam-
ple solved using the quadratic objective.

where o is defined as a “smoothing parameter.” More accurate nonlinear formulations based on
substituting the quadratic terms by higher-degree terms are also possible, but not as computa-
tionally efficient as Equation 5.3 or Equation 5.5 [10]. Note that the presence of fixed components,
for example, I/O pads, prevents the trivial solution x; = y; = 0 from being a possible minimum for
the previous equations. Equation 5.3 can also be written in a matrix formulation as follows. Let
C denote a connection matrix, where c; gives the number of connections between nodes v;and v;.
Define a diagonal matrix D as follows: d;; = 0if i # j else if i = j then d; = X" ¢;;. In addition, define
the matrix B = D — C, and the row vectors X = (x1,x,,...,x,) and YT = (y,,,,...,9,). Using matrix B,
Equation 5.3 can be rewritten as

(5.6) z,=X"BX + Y'BY

For illustration of the possible outcome of just numerically solving the analytical objectives, we
plot the placement results of a 400 cell netlist in a 20 x 20 grid layout in Figure 5.8 solved using the
quadratic objective of Equation 5.3, or equivalently Equation 5.6. It is quite clear that just solving
the previous equations yields quite an overlapping placement. Research in analytical techniques
mainly focuses on how to numerically minimize either of the previous equations, while spreading
out circuit components with minimum component overlap.

5.2.31 SPREADING OUT CIRCUIT COMPONENTS

There are two possible strategies in removing component overlap in analytical methods. In the
first strategy, the overlap constraint is ignored while solving the previous objectives, leading to
a highly overlapped placement. This overlap is then removed by another means. We refer to this
strategy as “Remove after Solving.” In the second strategy, a measure of overlap is incorporated
into the previous objectives while minimizing them. This incorporation can be done via an addi-
tional set of terms to minimize or through a number of linear constraints. Thus the outcome
solution is minimized with respect to both wirelength and overlaps. We refer to this strategy as
“Remove while Solving.” We next discuss a number of methods that can be used to implement
both strategies.

5.23.1.1 Remove after Solving Perhaps one of the simplest methods to remove overlaps—
assuming all cells have the same width—is to move the cells from their placement locations to
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legal placement sites with the minimum total displacement. This can be solved optimally in
polynomial time using optimal linear assignment, where the cost of assigning a cell to a place-
ment site is equal to the Manhattan distance between the cell location and the site position.
Such an approach requires a runtime of O(#%) which is deemed expensive, and typically does not
yield good solutions if the placement is highly overlapped.

A better approach for overlap removal is through the use of the top-down framework in
a manner similar to min-cut placement. Recall that in top-down placement, the layout area is
recursively divided by means of bisection or quadrisection, into finer and finer bins, where the
min-cut partitioner takes the role of determining the cells that belong to each bin. This approach
can be similarly used for analytical placement, where the solution of the analytical program
rather than the min-cut partitioner is used to determine the cells that belong to each bin. We
next explore a number of methods where analytical placement is used to partition the set of cells
among the bin’s child bins.

In setting up the analytical program of a subset of cells belonging to a particular bin, the placer
is faced with the problem of handling the connections between those cells and the components
that lie outside the bin, for example, other cells or I/O pads. To solve this problem, cells outside
the bin can be propagated as I/O pads to the periphery of the bin in a manner resembling that of
terminal propagation in min-cut placement [6,7]. Such propagation, or splitting, of the connec-
tion mitigates the mismatch between quadratic and linear wirelength objectives since it leads to
shorter connections from the fixed cells to the movable cells.

Once the analytical program is solved, the cells are partitioned among the child bins—
produced from either bisection or quadrisection—using the spatial information provided from
the analytical solution. In case of bisection, one possibility is to divide the bin into two equal child
bins in a direction perpendicular to its longest side. The cell are then sorted along the direction
of the longest side and the median cell is identified. All cells before and including the median cell
are assigned to the closest child bin, while the other cells are assigned to the other child bin [6].
In case of quadrisection, Vygen [7] has devised an almost optimum linear-time method that
reassigns cells to child bins to satisfy their capacities with the minimum total displacement from
the analytical solution spatial results.

While the top-down framework offers a good method to remove overlap, it has the draw-
back of restricting cell movement since cells remain confined within their assigned bin
boundaries. This restriction may adversely impact the wirelength. To allow cells to move
from their bins, there are two possible solutions. First, it is possible to incorporate the top-
down partitioning results “softly” as follows. Instead of solving the analytical placement of
each bin separately, the analytical program of the whole netlist can be resolved, while impos-
ing a number of additional linear constraints that coerce the center of gravity of a bin’s cells
to coincide with the center of the bin they belong to [13]. The additional constraints allow
relative flexibility in cell movement while maintaining the global spatial cell distribution.
Second, it is possible to use repartitioning via a sliding window moving over all bins in a
manner similar to min-cut placement [7,36]. At each position of the sliding window, the bins
that lie under the window are merged, analytically resolved, and repartitioned. The overlap
in the sliding window positions allows cells to move out of their assigned bins to improve
wirelength. While both previous solutions offer a good method to improve the wirelength,
they incur an increase in placement runtime.

Another possible improvement to top-down analytical methods is to equip the analytical solver
with a min-cut partitioner to improve its results [13]. In this latter scenario, the analytical solution
can be thought of as a “seed” for the subsequent min-cut partitioner.

5.2.3.1.2 Remove while Solving In this approach, the wirelength objective is replaced by an
objective that simultaneously minimizes wirelength and overlap. The analytical program is then
solved in an iterative manner where every iteration yields a better spread placement than the
previous iteration.

One possibility to achieve this objective is through the use of a set of repelling forces that
push cells from high-density regions to low-density ones [8,14]. These forces are calculated and
added to the wirelength minimization function in an iterative manner as follows. After solving
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Equation 5.3, the additional forces are calculated for each cell and inserted as linear terms in the
quadratic program of Equation 5.3. The quadratic program is then resolved resulting in better-
spread placement. This constitutes one transformation iteration that can be iterated a number of
times until a desired even cell distribution is attained.

A recent (as of 2006) approach that has yielded fast runtimes utilizes the concept of spread-
ing forces in a different manner [40]. In each iteration, the utilization of all bins or regions is
first calculated, and cells are shifted from bins of high utilization to new locations in bins of
low utilization. To encourage the placer to keep the cells close to their newly assigned locations,
spreading forces are applied to the shifted cells. These forces are realized via the addition of
pseudo-nets connecting every shifted cell to the boundary of the layout region along the direc-
tion of its spreading force.

Recently, (as of 2006), Naylor [12] proposed to divide the layout area into a grid and to
minimize the uneven cell distribution in the grid to achieve uniform cell spreading. This can
be achieved by adding a differentiable penalty function as a weighted term to the wirelength
minimization function. The penalty function decreases in value when cells are spread more
uniformly. Thus, minimizing the analytical objective function simultaneously minimizes both
wirelength and overlaps.

5.2.3.2 NONLINEAR NUMERICAL OPTIMIZATION

Minimization of Equations 5.3 and 5.4, or Equation 5.5 is carried out using numerical techniques
[41]. Placement researchers have typically used numerical optimization methods as “black boxes”
to provide the required solutions. We next give a glimpse of some of the possible techniques; we
refer the interested reader to [41].

One of the first methods suggested to solve Equation 5.6 is through the use of eigenvalues [4].
However, eigenvalue calculation is typically slow. Instead, Cheng and Kuh [5] noticed that matrix
B is sparse since a circuit component is typically connected to very few components, and thus
sparse-matrix techniques represent a runtime-efficient method to solve the analytical program.
Later, Tsay et al. [6] suggested the use of a generalized Gauss—Seidel method, called successive
over-relaxation, to solve the set of linear equations.

Given that nonlinear programs described by Equations 5.3 and 5.4, or Equation 5.5 are con-
vex—since matrix B of Equation 5.6 is positive-semidefinite—and typically sparse, gradient
methods offer a fast method to find the local minimum. Given a convex function f(x) that has
a minimum at x* gradient methods find a sequence of solutions x,,X;,X,,...,X; = X*, where each
solution better approximates the minimum. One method is to proceed in the direction of steepest
descent, which is in the direction of the gradient Vf(x). Thus x; = x,_; + A,_;Vf(x,_,), where A,_; <0
is the step that minimizes the function f{x,_, + AVf(x,_;)) with respect to A. The main disadvantage
of steepest descent methods is that they might take an unnecessarily long time to converge to the
optimal solution.

To improve the convergence rate, the Conjugate Gradient method is typically used [13,41].
Assume that x, is the first approximation to x* and define v, = Vf(x,). Conjugate-gradient
proceeds by executing the following # times:

1. Calculate x; = x,_; + A,_,v,_;, where again A,_, < 0 is the step that minimizes the function
Sxi + hviy)
2
Vi (x;
2. Calculate v; =-Vf(x;) +HLX)H2VH
Vi)

3. Increment {

It can be proven that the vectors v, are mutually conjugate, that is, v/ Bv =0, and that the CG
method offers a fast convergence rate to the optimal solution in comparison with the regular
steepest descent method.
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5.2 Global Placement

5.2.4 HANDLING OTHER OBJECTIVES

In addition to total wirelength minimization, placers also have to minimize a number of
additional objectives such as the longest path delay, congestion and power. We discuss next how
to handle these objectives within the different placement solvers discussed earlier.

5241 TIMING-DRIVEN PLACEMENT

Circuit signal paths start at the input pads and flip—flip outputs, and end at the output pads and
flip—flop inputs. The delay of a path is the sum of interconnect and gate delays that make up the
path. Critical paths are all signal paths of delay larger than the specified maximum delay, which
is typically the clock period. By controlling the proximity of interconnected components so that
no signal path exceeds the specified timing constraint, timing-driven placement can achieve its
goal of eliminating all critical paths if feasible.

Timing-driven placement methods depend on the underlying placement solver. Analytical
methods can incorporate timing constraints in a number of ways. One way is to formulate the
delay of critical paths as a number of linear constraints and include these constraints in the
analytical placement program [42]. The linear constraints eliminate placement solutions that do
not satisfy the timing constraints, and consequently solving the constrained analytical program
automatically leads—if feasible—to solutions with no critical paths. Another way is to multiply
the net connectivity coefficients, c;, in Equations 5.2 and 5.3 by additional weights to reflect their
timing criticality [8,43]. Nets included in critical paths receive higher weights than other nets,
causing the analytical placer to reduce their length. Linear timing constraints can be indirectly
incorporated in a recursive top-down paradigm—whether using a min-cut or analytical solver—
as follows [44]. After each placement level, a linear program is constructed where the objective is
to minimize the reassignment of cells to bins such that all timing delay constraints are satisfied.
Solving the linear program leads to a minimum perturbation from an existing illegal-timing
placement to a legal-timing placement.

One possibility to achieve timing-driven placement in min-cut placers is to perform static
timing analysis at each placement level and then translate timing slacks to net weights, where
nets participating in critical paths receive larger weights [45]. Another solution seeks to control
the number of cuts experienced by a critical path, since the more cuts a path experiences, the
longer the path tends to be [46]. To control the number of cuts, it is possible to give larger weights
to critical nets and to impose an upper bound on the maximum number of times a path can be
cut. These weights bias the min-cut partitioner to avoid cutting critical nets eventually reducing
critical paths delay. Another recent (as of 2006) method prioritizes cells that belong to critical
paths [47]. Given a bin under partition, cells that belong to critical paths are preassigned and fixed
to the child bins so as to reduce the negative slack of critical paths. After this cell preassignment,
the hypergraph partitioner is invoked on the remaining cells.

5242 CONGESTION-DRIVEN PLACEMENT

Minimizing total wirelength ensures meeting the total routing supply. Nevertheless, conges-
tion might occur in localized regions where local routing demand exceeds local routing supply.
Congestion impacts routability in two ways. First, congestion might lead to the failure of routing
some nets compromising the integrity of the complete physical design stage. Second, congestion
forces routers to detour nets away from congested regions, leading to an increase in their wire-
length. This increase in wirelength adversely impacts performance if the detoured nets are part
of the critical paths.

Given a placement, congestion—reduction methods typically first divide the layout area into
rectangular regions. A fast global routing method is then used to estimate the number of wires
crossing each region boundary. This estimate is compared against each region’s routing supply.
If the demand exceeds the supply then the region is either expanded to increase the supply or
cells are moved out of the region to reduce the demand. Congestion—reduction methods can be
applied during placement or after placement as a postprocessing step. We next discuss briefly fast
routing estimates and a number of methods to reduce the congestion.
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FIGURE 5.9 Number of wire crossings depends on cut location and number of pins. (From
Vorwerk, K. et al,, Engineering details of a stable force-directed placer, Proceedings of IEEE International
Conference on Computer Aided Design, 2004, pp. 573-580.)

Routing-demand estimation methods are numerous and there is no space to discuss them in
detail. However, we discuss an attractive routing demand model that was developed from a place-
ment perspective [2]. Cheng [2] observed that the number of wire crossings of a cut line through
the bounding box of a net depends on the number of pins of the net as well as the cut line
location as shown in Figure 5.9. Given a k-pin net, it is possible to calculate the average number
of wire crossings at any location inside the net bounding box as follows: (1) place the k pins of the
net randomly; (2) construct a Steiner minimum tree over the k pins and calculate the number of
wire crossings at all possible locations; and (3) execute (1) and (2) a number of times and report
the average results. The average results for different values of k are calculated once and stored in
a lookup table. The table is then used for fast routing estimation for all future placement runs.

As for congestion reduction methods, one simple way to reduce the demand within a congested
region is to inflate the cells within the region, and utilize repartitioning (see min-cut placers)—
originally used to improve wirelength—to move cells out of the congested regions [48]. For exam-
ple, using a sliding window of size 2 x 2 as shown in Figure 5.6 enables the cells to leave the
regions they are currently placed in, thus reducing their congestion.

Alternatively, to increase the supply of a region, Yang et al. [49] consider two possible
expansion areas for each region. Since expanded areas of different congested regions can overlap
creating new congested regions, an integer linear program is constructed that finds an expan-
sion of all regions that minimizes the maximum congested region. After all congested regions
are expanded, cells within each region are placed within the region boundaries using a detailed
placer. Another approach [50] expands regions during quadratic placement either vertically or
horizontally depending on the demand.

5.24.3 REDUCING PLACEMENT RUNTIME

Circuit clustering is an attractive solution to manage the runtime and quality of placement results
on a large scale VLSI designs [26,33,51-54]. Clustering takes an input netlist and coarsens or
condenses it by merging nodes together to form larger nodes or clusters, and adjusts the nets or
hyperedges accordingly as shown in Figure 5.10. Clustering methods have a long history and they
are out of the scope of the discussion. We will only focus on the use of clustering in placement.

The interaction between clustering and placement can be classified into two categories. In the
first category, clustering is used as a core part of the placement solver [20-22], such as clustering
and unclustering within the multilevel partitioner of min-cut placers [19]. In this case, a cluster
hierarchy is first generated, followed by a sequence of partitioning and unclustering. Partitioning
results of prior clustered netlists are projected to the next level by unclustering, which become
the seed for the subsequent partitioning. In the second category of clustering for VLSI placement,
the cluster hierarchy is generated at the beginning of the placement as a preprocessing step in
order to reduce the netlist size. The coarsened netlist is then passed on to the placer [26,53,54].
Usually, the clustered objects will be dissolved at or near the end of the placement process [54],
with a “clean-up” operation applied to the fully uncoarsened netlist to improve the results. In
some cases, unclustering and reclustering are executed during intermediate points in the place-
ment flow to allow the placer escape any earlier bad clustering decisions [26,55].
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5.3 Detailed Placement and Legalizers

FIGURE 5.10 Clustering of netlist: (@) produces netlist; (b) reducing the number of nodes from 8 to
4 and the number of edges from 14 to 9.

5.3 DETAILED PLACEMENT AND LEGALIZERS

A placement is illegal if cells/blocks overlap and/or occupy illegal sites, for example, between
placement rows. Illegal placements might be an outcome of global (twice) placement, or produced
from incremental changes to legal placements. Such changes include cell resizing and buffer
insertion, which are necessary for signal integrity. Figure 5.11 shows a possible outcome from
global placement where cells are quite spread out, yet the placement is illegal since there is a small
amount of overlap and some cells are not snapped to sites. A placement legalizer snaps cells to
the sites of rows such that no cells overlap. This has to be done with minimum adverse impact on
the quality of the placement. A detailed placer takes a legal placement and improves some place-
ment objective such as wirelength or congestion, and produces a new legal placement. In many
cases, a detailed placer includes a legalizer that is invoked to legalize any given illegal placement

R - - - F---------

— — - r — -] - —

- -

FIGURE 5.11 A possible outcome of global placement. A legalizer legalizes a placement by snap-
ping cells to sites with no overlap.
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or to legalize the detailed placer’s own placement. Detailed placers are also used in incremental
placement to legalize the placement after netlist changes. In this case, they are called engineering
Change Order placers. We can summarize the goals of a detailed placer/legalizer as follows:

1. Remove all overlaps, and snap cells to sites with the minimum impact on wirelength,
timing, and congestion.

2. Improve wirelength by reordering groups of cells. Such groups typically include spatially
close cells.

3. Improve routability by carefully redistributing free sites.

We classify detailed placement methods as either heuristic or exact. Heuristic methods typi-
cally achieve good results in fast runtimes. Exact methods are only applicable for a few cases and
usually take longer runtimes.

5.3.1 HEURISTIC TECHNIQUES

A possible legalizing approach starts by dividing the layout area into a number of regions [56].
Regions are then traversed from left to right, where the cells of each region are legalized and
placed after preceding regions. During the course of legalization, a borderline can be envisioned
where cells of regions to its left are legalized, but cells of regions to its right are yet to be
legalized. A region is legalized by assigning its cells to new positions by solving a transportation
problem, where cells are transported to their new legal positions with the minimum impact to
wirelength.

A relatively recent (as of 2006) approach that also divides the layout into regions and balances
region utilization, is due to Hur and Lillis [57]. In their approach, an overutilized region, say S,
and its nearest underutilized region, say 7, are identified, and cells are ripple-moved from Sto T
along a monotone path, that is, a sequence of adjacent bins. Since there are possibly many paths
between S and 7 and many cells to move, the sequence of moves that minimizes the increase in
wirelength is identified and executed. In addition, if row-size constraints are not met, then the
utilized bin from the largest row, say S, and the most least utilized bin from the smallest row, say
T, are identified, and cells are again ripple-moved along a monotone path from S to T.

A recent (as of 2006) detailed placement approach divides the legalization effort into two
stages [7,58,59]. In the first stage, the layout area is divided into zones. Since some of these zones
might be over capacity and consequently produce overlaps, the detailed placer first balances these
zones. Such balancing can be achieved while minimizing the total displacement using network
flow programs. After all zones are balanced, cells are legalized within rows and free sites are dis-
tributed to further minimize the HPWL.

A simple greedy legalization heuristic that empirically proved useful is as follows [34,60].
Initially all cells are sorted by their horizontal coordinate. Cells are then visited in that order and
assigned to the location which results in the minimal displacement from their current location,
such that the row capacity is not exceeded. The heuristic can also be slightly modified to handle
mixed cell and block legalization.

5.3.2 EXACT TECHNIQUES

As for exact techniques in detailed placement, optimal end-case placers can use branch and
bound algorithms to place optimally a set of few cells within a row [35]. The algorithm can be
suboptimally scaled by sliding a rectangular window over the layout area, and placing cells within
it optimally [20]. Sliding over the layout area can be iterated a number of times until improvement
drops below a certain threshold. Branch and bound techniques are typically plagued with exces-
sive runtime requirements, and window sizes are usually restricted to 7-8 cells to keep runtime
manageable. However, if the subset of cells selected are independent, that is, they do not share any
common nets, and are of the same size, then it is possible to place them optimally in polynomial
runtime using OLA [3,61].
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5.4 Placement Trends

Another detailed placement problem that is getting increasingly important due to the ubiqui-
tous presence of free sites in most modern designs is as follows. Given a number of cells placed
in a placement row, shift the cells to minimize the wirelength, such that the ordering of cells
before and after the shifting is the same [62]. Kahng et al. [62] propose a solution that solves the
problem optimally in polynomial time using dynamic programming. The dynamic programming
algorithm uses the piecewise-linearity attribute of HPWL to distribute optimally the freespace
for wirelength minimization purposes. A correction of the complexity bounds, and further speed
up through efficient data structures are realized by Brenner and Vygen [63]. Recently, (as of 2006)
Kahng et al. [64] proposed a generic dynamic programming method to remove overlaps within a
row given a fixed cell ordering while optimally minimizing either HPWL, total cell displacement,
or maximum cell displacement.

5.4 PLACEMENT TRENDS

Technological advances introduce challenging extensions to the placement problem.
For example, the recent (as of 2006) proliferation of Intellectual Property cores transformed
the placement problem from just cell placement to mixed cell and core, or block, placement.
Additionally, once these blocks are placed, they represent a blockage where routing cannot be
conducted on layers on top of them. Such blockage imposes additional challenges to conges-
tion-driven placement methods.

Increasing system complexity of recent (as of 2006) designs coupled with diminishing fea-
ture sizes created further demand for routing resources. This increased demand forced physical
design engineers to expand layout areas to be more than the total components area creating free
space for additional routing resources. Such free or white space must be distributed by the placer
in a manner that improves the design’s performance.

Another active research area in placement is that of placer suboptimality evaluation. Sub-
optimality evaluation enables the quantification of existing placers’ performance on arbitrary
benchmarks. Essentially, suboptimality evaluation reveals how much room for improvement still
exists, which guides the continued investment of attention to the placement problem. We next
examine a number of recent (as of 2006) solutions for the aforementioned placement challenges,
starting with mixed-size placement.

5.4.1 MIXED-SIZE PLACEMENT

Rather than placing blocks before placement either manually or using automatic floorplanning,
mixed-size placement simultaneously places cells and blocks, while considering a number of
fixed blocks. A number of solutions have been recently (as of 2006) proposed.

One solution clusters the cells in a bottom—up fashion condensing the netlist into blocks and
clusters of cells [65]. Quadratic placement in a top—down partitioning framework is then used to
globally place the netlist. After global placement, clusters are flattened and their cells are placed
without overlap.

Instead of clustering cells, Adya and Markov [66] suggest “shredding” every block into a num-
ber of connected cells and then placing the shredded blocks and cells. Afterwards, the initial
locations of the blocks are calculated by averaging the locations of the cells created during the
shredding process, and the cells are clustered into soft blocks (soft blocks have adjustable aspect
ratio) based on their spatial locations in the placement. A fixed outline floorplanner is then used
to place both the blocks and the soft blocks without overlaps. Finally, blocks are fixed into place
and detailed placers locate positions for the cells of each soft block.

A new (as of 2006) simple approach that has demonstrated strong empirical results treats cells
and blocks transparently in min-cut placement [67]. That is, the min-cut placer does not distin-
guish between cells and blocks. The output of min-cut placement in this case typically contains
overlap and thus it is necessary to use a legalizer.



Chapter 5 - Digital Layout

127

5.4.2 WHITESPACE DISTRIBUTION

Whitespace or freespace is the percentage of placement sites not occupied by cells and blocks.
Whitespace enlarges the core layout area more than necessary for placement, in order to
provide larger routing area. Placement algorithms can allocate whitespace to improve perfor-
mance in a number of ways including congestion reduction, overlap minimization, and timing
improvement.

One of the first approaches sought whitespace allocation in a hierarchical uniform fashion to
improve smooth operation of the min-cut partitioner [20,31]. With careful whitespace allocation,
bins would have enough whitespace to avoid cell overlaps resulting from unbalanced partition-
ing. Such overlaps typically occur in min-cut placers due to lack of whitespace, variations in cell
dimensions, as well as the choice of cut sequences [64].

Instead of allocating whitespace uniformly, it can be allocated according to congestion to
improve the final routability of the placement. In a two-step approach [68], whitespace is first
allocated to each placement row proportional to its degree of congestion, with the least congested
row receiving a fixed minimum amount of whitespace. In the second step, rows are divided into
bins, and bins are assigned whitespace proportional to their congestion, where a bin can be
assigned zero whitespace if it is not congested. More recently, (as of 2006) Li et al. [69] improved
routability by simultaneously migrating cells connected to nets responsible for the overflow over
routing demand, as well as by redistributing whitespace, allocating more whitespace to regions
with a deficit in routing supplies.

When large amounts of whitespace is present, it can also be allocated to improve timing [70].
By observing that analytical placers better capture the global placement view than min-cut
placers, it is possible to utilize analytical solvers in distributing the whitespace by determining
the balance constraints for each partitioning step. Empirical results show that such methods lead
to better timing results. In addition, whitespace can be compacted by inserting disconnected free
cells, only to remove them after placement [71].

5.4.3 PLACEMENT BENCHMARKING

Placement suboptimality quantification is concerned with estimating the performance gap
between reported results, for example, wirelength, of placers on a given benchmark and the opti-
mal results of the benchmark. Since the placement problem is NP-hard, it is unlikely that there
will exist optimal algorithms for arbitrary instances. Thus researchers attempt to indirectly esti-
mate the performance gap. Existing approaches either use scaling [72] or synthetic constructive
benchmarks [73,74] to quantify the suboptimality of existing placers.

Hagen et al. [72] scale a given placement instance by creating a number of identical instances
and “patching” them into a single larger scaled instance. The performance of the placer is then
compared against a value precalculated from the initial instance.

A recent (as of 2006) paper by Chang et al. [73] uses an overlooked construction method by
Hagen et al. [72] to construct optimally a number of benchmarks (PEKO) with known optimal
HPWL. Such optimal construction is possible if each k-pin net is constructed with the least pos-
sible HPWL. For example, a two-pin net takes a HPWL of 1 unit, a three-pin net takes a HPWL
of 2 units, a four-pin net takes a HPWL of 2 units, and so forth. A sample construction is given in
Figure 5.12. Empirical results on such artificially constructed benchmarks show that there exists
a significant gap between the HPWL from the placer results and the optimal placement HPWL.
However, these benchmarks are unrealistic since they only consider local hyperedges. To mitigate
this drawback, Cong et al. [74] added global hyperedges to the PEKO benchmarks producing the
PEKU benchmarks. The optimal placement of the PEKU benchmarks is unknown; however, it is
possible to calculate an upper bound to their optimal placement. By using the optimal placement
of the original PEKO benchmarks, an upper bound to the optimal HPWL of the added global
hyperedges is readily calculated. Experimental results on the PEKU benchmarks show that the
performance of available placers approaches the upper bounds as the percentage of global edges
increases. It is not known whether the calculated upper bounds are tight or loose.
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5.5 Academic and Industrial Placers

FIGURE 5.12 A benchmark constructed with known optimal HPWL. There are seven two-pin
edges, one four-pin hyperedge, and one six-pin hyperedge with a total HPWL of 12.

Another recent (as of 2006) approach quantifies placer suboptimality using arbitrary netlists
[75]. Given a netlist and its placement, a number of zero-change netlist transformations are applied
to the netlist. These transformations do not alter the placement HPWL and can only increase the
unknown optimal HPWL value. Executing the placer on the new transformed netlist produces a
new suboptimal HPWL result. The difference between the new and old HPWL results is a lower
bound on the suboptimality gap.

5.4.4 OTHER TRENDS AND PRACTICAL CONCERNS

In addition to the previous trends, a number of practical issues arise in modern day designs that
should be handled by placers. These include:

B Flat placement of 10 million components in mixed-mode designs. Modern
designs typically require a number of placement iterations to achieve timing clo-
sure. These iterations routinely consume enormous amounts of time—a number
of days—till completion. Thus it is necessary to have fast and efficient placement
algorithms. Furthermore, components of modern designs include movable cells and
movable and fixed blocks. All these need to be smoothly and efficiently handled by
the placer.

B Given the ubiquitous presence of mobile devices, temperature- and power-driven place-
ment where the objective is to reduce the total power consumption as well as to smooth
temperature differences between spatially proximate regions, is getting increasingly
important.

B Placement-driven synthesis, where placement is used to derive logic synthesis optimiza-
tions [76-78].

5.5 ACADEMIC AND INDUSTRIAL PLACERS

A number of competitive academic and industrial placers exist to satisfy academic research
and commercial needs. We now give a brief overview, as of 2006, of the main academic and
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industrial tools. The algorithmic techniques used by these placers have been already covered in
Section 5.2. Academic placers include:

B APlace [11]: An analytical placer that is algorithmically similar to the Physical Compiler
from Synopsys. It uses a nonlinear wirelength formulation (Equation 5.5) while
penalizing overlaps in a “remove while solving” fashion.

B BonnPlacer [7]: An analytical placer that uses a quadratic formulation in a top-down
framework. It also uses repartitioning to improve its results.

B Capo [20]: A top-down min-cut placer that is based on recursive bisection.

B Dragon [21]: A top-down min-cut placer that is based on recursive quadrisection. The
placer also uses simulated annealing to improve its results.

B FengShui [22]: A top-down min-cut placer that is based on recursive bisection.

B Kraftwerk [8]: An analytical placer that uses repelling forces in a “remove while solving”
fashion.

B mPL [55]: An analytical placer that uses a nonlinear wirelength formulation, and uses
clustering in a multilevel framework as a means to reduce instance sizes.

B Timberwolf [24]: A simulated annealing-based placer.

While details of academic placers are readily available in academic publication, published data on
industrial placers are typically less detailed.

B [BM CPlace [70]: An analytical placer that uses the quadratic formulation in a top-down
framework. It also distributes whitespace to improve timing and wirelength.

B Cadence QPlace: It is believed that QPlace uses the quadratic formulation in a top-down
framework.

B Synopsys Physical Compiler [12]: Similar to APlace.

B [nternetCAD iTools: A commercial package based on Timberwolf.

5.6 CONCLUSIONS

Placement is—and will likely remain—one of the essential steps in the physical design part of any
integrated circuit’s life. In this chapter, we have surveyed the main algorithmic approaches to
solve the placement problem. We have also explained how different placement objectives can be
handled within those various approaches. Detailed placement as well as placement trends have
also been covered. For the future, it seems that the core algorithmic approaches are likely to stay
the same; however, they have to be extended to handle smoothly and efficiently multi-million gate
mixed-size designs and to achieve timing closure in fewer turn-around cycles.
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6.1 INTRODUCTION

High-performance circuits have traditionally been characterized by the clock frequency at which
they operate. Gauging the ability of a circuit to operate at the specified speed requires timing veri-
fication capabilities that measure its delay at numerous steps during the design process. Moreover,
delay calculation must be incorporated into the inner loop of timing optimizers at various phases of
design, such as synthesis, layout (placement and routing), and in-place optimizations performed late
in the design cycle. While both types of timing measurements can theoretically be performed using
rigorous circuit simulations, such an approach is liable to be too slow to be practical. Static timing
analysis (STA) plays a vital role in facilitating the fast, and reasonably accurate, measurement of cir-
cuit timing by finding the minimum or maximum delay over all input logic patterns. The speedup
is due to the use of simplified delay models and the limited ability of STA to consider the effects of
logical interactions between signals. By construction, delay estimates from STA are built to be pes-
simistic, thus providing guarantees that an STA sign-off can deliver a working circuit.

STA has become a mainstay of design over the past few decades. This chapter will first
overview a set of basic techniques for modeling gate and circuit delays and then define the
constraints that must be satisfied to ensure timing correctness. Finally, two classes of STA
techniques that comprehend the effects of variation in process and environmental parameters
will be presented: corner-based methods and statistical STA (SSTA) techniques.

6.2 REPRESENTATION OF COMBINATIONAL AND SEQUENTIAL CIRCUITS

A combinational logic circuit may be represented as a timing graph G = (V, E), where the elements
of V, the vertex set, are the inputs and outputs of the logic gates in the circuit. The vertices are
connected by two types of edges: one set of edges connects each input of a gate to its output,
which represents the maximum delay paths from the input pin to the output pin, while another
set of edges connects the output of each gate to the inputs of its fanout gates and corresponds
to the interconnect delays. A simple logic circuit and its corresponding graph are illustrated in
Figure 6.1a and b, respectively. We refer to fanin-free nodes as primary inputs and nodes whose
values are observed (which may or may not be fanout free) as primary outputs.

A simple transform that converts the graph into one that has a single source s and a single
sink ¢ is often useful. If all primary inputs are connected to flip-flops (FFs) and transition at the
same time, edges are added from the node s to each primary input and from each primary output
to the sink ¢. The case where the primary inputs arrive at different times 4, = 0 can be handled
with a minor transformation to this graph,* adding a dummy node with a delay of 4, along each
edge from s to the primary input i.

* If some arrival times are negative, the time variable can be shifted to ensure that a; > 0 at each primary input.
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FIGURE 6.1 (3a) An example combinational circuit and (b) its timing graph. (From Sapatnekar, S.S.,
Timing, Kluwer Academic Publishers, Boston, MA, 2004.)

This construction generally results in a combinational circuit that is represented as a directed
acyclic graph (DAG). This is because mainstream combinational circuits do not have any cycles
(though some implementations of combinational circuits are not acyclic). Many timing analyzers
handle combinational feedback loops (which translate to cycles in the timing graph) by breaking
them either in an ad hoc manner or according to a heuristic so that the circuit to be analyzed may
be represented as a DAG.

A sequential circuit that consists both of combinational and sequential elements
(FFs and latches) may be represented as a set of combinational blocks that lie between latches,
and a timing graph may be constructed for each of these blocks. For any such block, the sequen-
tial elements or circuit inputs that fan out to a gate in the block constitute its primary inputs;
similarly, the sequential elements or circuit outputs for which a fanin gate belongs to the block
together represent its primary outputs. It is rather easy to find these blocks: to begin with, we
construct a graph in which each vertex corresponds to a combinational element, an undirected
edge is drawn between a combinational element and the combinational elements that it fans out
to, and sequential elements are left unrepresented (this is substantially similar to the directed
graph described earlier for a combinational circuit, except that it is undirected). The connected
components of this graph correspond to the combinational blocks in the circuit.

The computation of the delay of such a combinational block is an important step in timing
analysis. For an edge-triggered circuit, the signals at the primary inputs of such a block make a
transition at exactly the same time. The clock period must then satisfy the constraint that it is no
smaller than the maximum delay of any path through the logic block, plus the setup time for a
FF at the primary output at the end of that path. Therefore, finding the maximum delay through
a combinational block is a vital subtask. Alternatively, a combinational block that is to be treated
as a black box must be characterized in terms of its delays from each input to each output; this
problem arises, for example, when the analysis involves hierarchically defined blocks with such
timing abstractions. For level-clocked circuits, the timing relations are more complex but are
nevertheless based on the machinery developed in this chapter [31].

6.3 STAGE DELAY MODELS

Consider a logic stage, consisting of a gate that drives an interconnect net to one or more sinks.
The circuit graph contains an edge, also referred to as a timing arc, from each input pin to the gate
output. The delays associated with each timing arc are separately characterized, typically under
the single input switching case, where only one cell input is assumed to switch, and all other cell
inputs are set so that they enable the maximum delay switching path. For example, during fall
delay calculations for a NAND gate, all transistors in the pull-down other than the switching
transistor are assumed to be fully on; while analyzing the rise delay, all transistors in the pull-up,
except the switching transistor, are assumed to be fully off. For each timing arc, four character-
izations are required to represent the output delay and transition time (slew), each computed for
the rise and fall cases.
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6.3 Stage Delay Models

6.3.1 MODELING THE LOAD AS A LUMPED CAPACITANCE

For short interconnects, the wire resistance is negligible as compared to the impedance of the
driving transistor(s), and it is reasonable to model the wire and its loads as a lumped capacitive
load. The problem of determining the delay of the logic stage then reduces to that of finding the
delay of the gate for a specific capacitive load. If the gate is a cell from a library, its delay is
typically precharacterized under various loads, C;, and input transition times (also known as
slew), 1,,. Two classes of models may be employed:

Equation-based models: In this case, the delay may be characterized in the form of a closed-
form equation. Some common closed-form equations are of the following forms:

6.1) at, +BCL +y1,CL + 0
and
(6.2) (ag +a,Cp +-+a,C")-(by + byty, +--++ b,th,)

where a, B, v, and 6 and the 4, s and b, s correspond to fitted coefficients.

Lookup table models: The most commonly used models today employ table lookup, based on
a paradigm that is referred to as the nonlinear delay model [4]. A typical use case for this model
characterizes the delay of a cell as a 7 x 7 lookup table, with seven points each corresponding to
the input slew and output load: this size is a reasonable trade-off between the accuracy of the
model and simplicity, in terms of limiting the size and characterization effort. During STA, given
a specific input slew and output load, the delay value can be obtained using interpolation.

6.3.2 MODELING THE LOAD AS A DISTRIBUTED RC STRUCTURE

6.3.2.1 IMPACT OF WIRE RESISTANCE

The lumped capacitance model for interconnects is only accurate when the driver resistance
overwhelms the wire resistance; when the two are comparable, such a model could have
significant errors. A class of approaches models the stage as a linear system and estimates the
delay using linear system theory: one example of such a method is the Elmore delay model [31].
However, since the driver is quite nonlinear, such simplistic methods are far too inaccurate for
use in STA.

A significant phenomenon that is ignored by linear system—based models is that of resistive
shielding, which causes the delay at the driver output (referred to as the “driving point”) to be
equivalent to a situation where it drives a lumped load that is less than the total capacitance of
the interconnect. In effect, the interconnect resistance shields a part of the total capacitance from
the driving point.

6.3.2.2 CURRENT SOURCE MODELS

The concept of an effective capacitance captures the impact of resistive shielding by estimating
the capacitance seen at the driving point [28]. This approach begins by setting the effective
capacitance to the lumped capacitance and iteratively updates its value.

An enhancement of this approach is the widely used method based on current source
models (CSMs) [2,12]. The idea is illustrated in Figure 6.2 for a two-input NAND gate.
The CSM is a gate-level black box abstraction of a cell in a library, with the same input and
output ports as the original cell. The output port p is replaced by a nonlinear voltage-
controlled current source (VCCS), 1, in parallel with a nonlinear capacitance, C,. The VCCS
model enables the CSM to be load independent and permits it to handle an arbitrary electrical
waveform at its inputs. The CSM is characterized in terms of the value of /, and the charge,
Q,, stored on the capacitor, C,. The variables, /, and Q,, are functions of all input and
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FIGURE 6.2 Example of a current source model: the output port is modeled as a nonlinear
voltage-controlled current source dependent on all input port voltages, in parallel with a nonlinear
Capacitance.

output port voltages, V;and V,, respectively. This modeling framework can also be efficiently
extended to capture dependencies on the body bias voltages, v,, and v,,, and the temperature
T [14]. For the most commonly used version of this model, under the single input switching
assumption, the current and charge functions are determined by characterizing the cell at
various port voltages as follows:

(63) Isz(‘/i,V;z)

(6.4) Q,=G(V;,V,)

Here, the functions Fand G may be stored as lookup tables. For a cell, 7, characterization involves
DC simulations over multiple combinations of DC values of (V, V,), while Q,, is characterized
through a set of transient simulations [2].

To use the CSM, the interconnect tree driven by a gate is first reduced to an equivalent nt
model [27]. Next, a small circuit consisting of the CSM structure driving a  load is simulated to
obtain the driving point waveform at the output of the gate. Finally, the full interconnect tree is
simulated using the driving point waveform to determine the waveform and delay at the sinks of
interest.

6.3.3 INTERCONNECT CROSS TALK EFFECTS ON TIMING

Coupling capacitance between adjacent wires is a significant factor that permits the injection of
noise into a victim line from one or more adjacent aggressor lines. If this noise event occurs on
the victim during a signal transition, it may increase the delay of the transition, as will be shown
in the discussion in Figure 6.3.

A Voltage

Time
>

FIGURE 6.3 Three aggressor alignment scenarios to demonstrate that the timing of the noise
event affects the delay of the signal.
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6.4 Timing Analysis for Combinational Circuits

The analysis of cross talk effects involves several factors:

B Switching windows for an aggressor or victim determine the times at which they may
switch inject noise into a wire: if the switching window for a victim and a potential
aggressor can be shown to be disjoint, the potential aggressor can never inject cross talk
noise during switching, and therefore, cross talk is purely a noise margin issue. In other
words, the impact of cross talk on delay can be ruled out.

B Aggressor alignment determines the worst-case switching time in each aggressor that
can induce a maximal delay change in the victim: this involves determining the precise
alignment of transition times that can induce the largest noise bump during the victim
transition, thus causing the largest delay increase.

Figure 6.3 illustrates the impact of cross talk noise on signal delay. A noiseless waveform rises
monotonically from 0 to V,, but if a noise bump is injected during the transition, the latest point
at which the waveform reaches its 50% point (or in general, the voltage threshold used to measure
delay) may be pushed to the right. The results of three different aggressor alignment scenarios are
shown in the figure: in two of these, the noise effects are seen during the transition and affect the
50% delay point, while in the third, cross talk occurs when the signal is nearly at its final value,
and this is treated as a noise issue on an otherwise stable logic value, rather than anything that
impacts the transition delay as computed by a timing analyzer.

For a given set of overlaps between timing windows, the concept of Miller capacitances is
often used to replace a coupling capacitance by a capacitor to ground. Specifically, if the capaci-
tance between two lines is C,, then the coupling capacitor is replaced by a capacitance from the
victim wire to ground. Depending on whether the potential aggressor is silent, switching in
the same direction, or switching in opposite direction during the timing window of the victim,
the value of this grounded capacitor is C,, 0, or 2C,, respectively (some variants of this method
use the values of C,, -C,, and 3C,, respectively [10]).

For lumped loads, the entire coupling capacitance is replaced by the Miller capacitance, and
the gate delay models in Section 6.3.1 are used for delay evaluation. For distributed loads, the
coupling capacitances at internal nodes of the RC wire load are replaced by Miller capacitances.
Techniques such as those in Section 6.3.2 can then be used to evaluate the delay of the RC load
network [19].

Note that the determination of switching windows is nontrivial since the delays of a line and
each of its neighbors are interdependent. Breaking this dependency cycle requires an iterative
procedure [30]: it can be shown that this solution corresponds to finding the fixpoint of a lattice
[39]. For a given allowable timing window, the worst-case aggressor alignment is used to deter-
mine the delay of the logic stage.

6.4 TIMING ANALYSIS FOR COMBINATIONAL CIRCUITS
6.4.1 DELAY CALCULATION FOR A COMBINATIONAL LOGIC BLOCK

In this section, we will present techniques that are used for the STA of digital combinational
circuits. The word “static” alludes to the fact that this timing analysis is carried out in an input-
independent manner and purports to find the worst-case delay of the circuit over all possible
input combinations. The computational efficiency (linear in the number of edges in the graph) of
this approach has resulted in its widespread use, even though it has some limitations associated
with false paths, which will be described in Section 6.4.5.

A method that is commonly referred to as Program Evaluation and Review Technique (PERT)
is popularly used in STA. In fact, this is a misnomer, and the so-called PERT method discussed
in most of the literature on timing analysis refers to the critical path method (CPM) that is widely
used in project management.

Before proceeding, it is worth pointing out that while CPM-based methods are dominantly in
use today, other methods for traversing circuit graphs have been used by various timing analyzers.
For example, depth-first techniques have been presented in [18].
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Algorithm CRITICAL_PATH_METHOD
Q = ©; /* Initialize queue Q */
for all verticesie V'
n_visited_inputs [i] = 0;
/* Add a vertex to the tail of Q if all inputs are ready */
for all primary inputs i /* Fanout gates of i */
for all vertices j such that (i — j) € E
if (++n_visited_inputs [;] == n_inputs [/]) addQ(;,Q);
while (Q = @)
g=top(Q);
remove (g,Q);
compute_delay [g];
for all vertices k such that (g — k) € E /* Fanout gates of g */
if (++n_visited_inputs [k] == n_inputs[k]) addQ(k,Q);

FIGURE 6.4 Pseudocode for the critical path method.

The algorithm, applied to a timing graph G = (V, E), can be summarized by the pseudocode
shown in Figure 6.4. The procedure is best illustrated by means of a simple example. Consider the
circuit in Figure 6.5, which shows an interconnection of blocks. Each of these blocks could be as
simple as a logic gate or could be a more complex combinational block and is characterized by the
delay from each input pin to each output pin. For simplicity, this example will assume that for each
block, the delay from any input to the output is identical. Moreover, we will assume that each block
is an inverting logic gate such as a NAND or a NOR, as shown by the bubble at the output. The two
numbers, d,/d, inside each gate represent the delay corresponding to the delay of the output ris-
ing transition, d,, and that of the output fall transition, d, respectively. We assume that all primary
inputs are available at time zero so that the numbers “0/0” against each primary input represent the
worst-case rise and fall arrival times, respectively, at each of these nodes. The CPM proceeds from
the primary inputs to the primary outputs in topological order, computing the worst-case rise and
fall arrival times at each intermediate node and eventually at the output(s) of the circuit.

A block is said to be ready for processing when the signal arrival time information is avail-
able for all of its inputs; in other words, when the number of processed inputs of a gate g,
n_visited_inputs[g], equals the number of inputs of the gate, n_inputs[g]. Notationally, we will
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FIGURE 6.5 An example illustrating the application of the critical path method on a circuit with
inverting gates. The numbers within the gates correspond to the rise/fall delay of the block, and the
italicized bold numbers at each block output represent the rise/fall arrival times at that point. The
primary inputs are assumed to have arrival times of zero, as shown. (From Sapatnekar, S.S., Timing,
Kluwer Academic Publishers, Boston, MA, 2004.)
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refer to each block by the symbol of its output node. Initially, since the signal arrival times are
known only at the primary inputs, only those blocks that are fed solely by primary inputs are
ready for processing. In the example, these correspond to the gates i, j, k, and /. These are placed
in a queue Q using the function addQ and are processed in the order in which they appear in
the queue.

In the iterative process, the block at the head of the queue Q is taken off the queue and sched-
uled for processing. Each processing step consists of the following:

B Finding the latest arriving input to the block that triggers the output transition
(this involves finding the maximum of all worst-case arrival times of inputs to the block)
and then adding the delay of the block to the latest arriving input time to obtain the worst-
case arrival time at the output. This is represented by compute_delay in the pseudocode.

B Checking all of the blocks that the current block fans out to, to determine whether they
are ready for processing. If so, the block is added to the tail of the queue using addQ.

The iterations end when the queue is empty. In the example, the algorithm is executed by
processing the gates in the sequence i, j, k, [, m, n, p, 0, and the worst-case delay for the entire
block is found to be max(7, 11) = 11 units, as illustrated in the figure.

6.4.2 CRITICAL PATHS, REQUIRED TIMES, AND SLACKS

The critical path, defined as the path between an input and an output with the maximum delay
as determined by STA, can now easily be found by using a traceback method. We begin with the
block whose output is the primary output with the latest arrival time: this is the last block on the
critical path. Next, the latest arriving input to this block is identified, and the block that causes
this transition is the preceding block on the critical path. The process is repeated recursively until
a primary input is reached.

In the example, we begin with Gate o at the output, whose falling transition corresponds to the
maximum delay. This transition is caused by the rising transition at the output of gate », which
must therefore precede o on the critical path. Similarly, the transition at # is affected by the
falling transition at the output of 7 and so on. By continuing this process, the critical path from
the input to the output is identified as being caused by a falling transition at either input ¢ or
input d and then progressing as follows: rising j — falling m — rising n — falling o.

A useful concept is the notion of the required time at a node in the circuit. If a circuit is
provided with a set of arrival time constraints at each primary output node, then on the comple-
tion of the CPM traversal, one may check whether those constraints are met or not. If they are
not met, it is useful to know which parts of the circuit should be sped up and how, and if they are,
it may be possible to save design resources by resynthesizing the circuit to slow it down. In either
case, the required time at each node in the circuit provides useful information. At any node in
the circuit, if the arrival time exceeds the required time, then the path that this node lies on must
be sped up.

The computation of the required time proceeds as follows. At each primary output, the rise/
fall required times are set according to the specifications provided to the circuit. Next, a backward
topological traversal is carried out, processing each gate when the required times at all of its
fanouts are known. In essence, this is equivalent to performing a CPM traversal with the directions of
the edges in G(V, E) reversed, the block delays negated, the roles of the primary inputs and outputs
exchanged, and the required time at the primary outputs of the original graph (now considered
primary inputs) set to the timing specification.

The slack associated with each node in the circuit graph is then simply computed as the
difference between the required time and the arrival time. A positive slack s at a node implies
that the arrival time at that node may be increased by s without affecting the overall delay of the
circuit. Such a delay increase will only eat into the slack and may provide the potential to free up
excessive design resources used to build the circuit.

For example, in Figure 6.5, if the required time at output o is 12 units, then the slack for all
signals on the critical path is 1; for an off-critical path signal such as p, the slack can be computed
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as 2 units. If the required time at o is changed to 9 units, then the slack on the critical path is -2
and the slack at p is -1.

6.4.3 EXTENSIONS TO MORE COMPLEX CASES

For ease of exposition, the example in the previous section contained a number of simplifying
assumptions. The CPM can work under more general problem formulations and a few of these
that are commonly encountered are listed here.

Nonzero arrival times at the primary inputs: If the combinational block is a part of a larger
circuit, we may have nonzero rise/fall arrival times at the primary inputs. If so, the CPM traversal
can be carried out by simply using these values instead of zero as the arrival times at the primary
inputs.

Minimum delay calculations: When the gate delays are fixed, the method described earlier
can easily be adapted to find the minimum, instead of the maximum delay from any input to any
output. The only changes in the procedure involve the manner in which an individual block is
processed—the earliest arrival time over all inputs is now added to the delay of the block to find
the earliest arrival time at its output.

Minmax delay calculations: If the gate delay is specified in terms of an interval, [d,,;,, 4,
then the minimum and maximum arrival time intervals can be propagated in a similar manner;
again, these values may be maintained separately for the rising and falling output transitions.
The values of d;, and d,,, can be computed on the fly while processing a gate.

Generalized block delay models: If the delay from input pin p to output pin g of a blocks
is d,, and the values of d,, are not all uniform for a block, then the arrival time at the out-
put g can be computed as max, i oE, + d,,), where ¢, is the arrival time (of the appropriate
polarity) at input p. Note that if d,, = d, for every p, then this simply reduces to the expression,
MaX, ) inputs p(E,) + @ which was used in the example in Figure 6.5.

Incorporating input signal transition times: In the example, the delay of each of the individual
gates was prespecified as an input to the problem. However, in practice, the delay of a logic gate
depends on factors such as the input transition times (i.e., the 10%—90% rise or fall times), which
are unknown until the predecessor gate has been processed. This problem is overcome by propa-
gating not only the worst-case rise and fall arrival times but also the input signal transition times
corresponding to those arrival times.

Note that this fits in well with the fact that the delay of a gate is only required at the time
when it is marked as ready for processing during the CPM traversal. At this time, the input signal
arrival times as well as the corresponding signal transition times are available, which implies
that the delay of the gate may be computed on the fly, just before it is needed. More complex
techniques for handling slope effects are presented in [6].

max]’

min

6.4.4 INCREMENTAL TIMING ANALYSIS

During the process of circuit design or optimization, it is frequently the case that a designer or
a CAD tool may alter a small part of a circuit and consider the effects of this change on the
timing behavior of the circuit. Since the circuit remains largely unchanged, performing a full STA
entails needless computation, since many of the arrival times remain unchanged. The notion of
incremental timing analysis provides a way of propagating the changes in circuit timing caused
by this alteration only to those parts of the circuit that require it. Generally, incremental analysis
is cheaper than carrying out a complete timing analysis.

An event-driven propagation scheme may be used: an event is said to occur when the timing
information at the input to a gate is changed, and the gate is then processed so that the event is
propagated to its outputs. Unlike CPM, in an event-driven approach, it is possible that a gate may
be processed more than once. However, when only a small change is made to the circuit, and a
small fraction of the gates have their arrival times altered, such a method is highly efficient.

Incremental approaches have been used in timing analysis for decades, and further details on
incremental timing analysis are available in [1] and in Chapter 1, which addresses design flows.
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FIGURE 6.6 An illustration of a circuit with false paths.

6.4.5 FALSE PATHS

The true delay of a combinational circuit corresponds to the worst case over all possible logic
values that may be applied at the primary inputs. Given that each input can take on one of four
values (a steady 0, a steady 1, a 0 — 1 transition, and a 1 — O transition), the number of possible
combinations for a circuit with m inputs is 4, which shows an exponential trend. However,
it can be verified that the CPM for finding the delay of a combinational circuit can be completed
in O(|V | + |E|) time for a timing graph G = (V, E), and in practice, this computation is
considerably cheaper on large circuits than a full enumeration. The difference arises because of
a specific assumption made by CPM, namely, that the logic function implemented by a gate is
inconsequential and only its delay is relevant.

This may result in estimation errors that are pessimistic. As an example, consider the circuit
shown in Figure 6.6, with three inputs, 4, b, and ¢, and one output, out. Assume, for simplicity, that
the multiplexer and inverter have zero delays and that the four blocks whose delays are shown are
purely combinational. It can be easily verified that the worst-case delay for this circuit computed
using the CPM is 4 units. However, by enumerating both possible logic values for the multiplexer,
namely, ¢ = 0and ¢ = 1, it can be seen that the delay in both cases is 3 units, implying that the circuit
delay is 3 units. The reason for this discrepancy is simple—the path with a delay of 4 units can never
be sensitized because of the restrictions placed by the Boolean dependencies between the inputs.

While many approaches to false path analysis have been proposed, most are rather too com-
plex to be applied in practice. The identification of false paths includes numerous subtleties. Some
paths may not be statically sensitizable under zero delay assumptions but may be dynamically
sensitizable. For instance, if the inverter has a delay of 3 units, then the path of delay 4 units is
indeed dynamically sensitizable. Various definitions have been proposed in the literature, and
an excellent survey, written at a time when research on false paths was at its most active state, is
presented in [24].

However, most practical approaches use some designer input and case enumeration, as in
the case of Figure 6.6, where the cases of ¢ = 0 and ¢ = 1 were enumerated. Approaches for
pruning user-specified false paths from timing graphs have been presented in [3,5,13,15]. Some
approaches have attempted to use satisfiability-based methods for detecting false paths, but their
overhead and complexity are generally too large for use within STA and simpler methods are
found to be more effective.

6.5 TIMING ANALYSIS FOR SEQUENTIAL CIRCUITS
6.5.1 CLOCKING DISCIPLINES

A general sequential circuit is a network of computational nodes (gates) and memory elements
(registers). The computational nodes may be conceptualized as being clustered together in an
acyclic network of gates that forms a combinational logic circuit. A cyclic path in the direction
of signal propagation is permitted in the sequential circuit only if it contains at least one register.
In general, it is possible to represent any sequential circuit in terms of the schematic shown in
Figure 6.7, which has I inputs, O outputs, and M registers. The registers’ outputs feed into the
combinational logic that, in turn, feeds the register inputs. Thus, the combinational logic has
I+ M inputs and O + M outputs.
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FIGURE 6.7 A general sequential circuit.

The functionality of registers plays a key role in determining the behavior of any sequential
circuit, and there are several choices of register type that are available to a designer. The behavior
of each register is controlled by the clock signal, and depending on the state of the clock, the data
at the register input are either isolated from its output or transmitted to the output. The types of
registers in a synchronous system are differentiated by the manner in which they use the clock to
transmit data from the input to the output.

Level-clocked latches: These are commonly referred to merely as latches, and these permit data
to be transmitted from the input to the output whenever the clock is high. During this time, the
latch is said to be transparent.

Edge-triggered FFs: These are commonly called “flip-flops” and they use the clock edge to
determine when the data are transmitted to the output. In a positive [negative] edge-triggered FF,
data are transmitted from the input to the output when the clock makes a transition from 0 to 1
[1 to 0]. FFs can typically be constructed by connecting two level-clocked latches in a master—
slave fashion.

A circuit consisting only of level-clocked latches and gates is referred to as a level-clocked cir-
cuit, and a circuit composed of edge-triggered FFs and gates is called an edge-triggered circuit.
Since a level-clocked latch is transparent during the active period of the clock, the analysis and
design of level-clocked circuits are more complex than that of edge-triggered circuits. In level-
clocked circuits, combinational blocks are not insulated from each other by the memory elements,
and cycle borrowing is possible when the data are latched during the transparent phase of the clock.
In such cases, a signal passes through multiple combinational stages before seeing a capturing
edge, and timing analysis becomes much more involved since it must perform checks across latch
boundaries, accounting for cycle borrowing. Methods for handling multicycle paths are described
in [7,21,29,35,36]. A simplifying strategy for level-clocked circuits forces all output signals arrive in
time for the active clock edge. This has the advantage of avoiding the complications of cycle borrow-
ing but significantly reduces the benefits achievable from the use of level clocking. In our discussion,
we will primarily deal with edge-triggered D FFs, which are the most widely used memory elements.

6.5.2 TIMING CONSTRAINTS FOR EDGE-TRIGGERED CIRCUITS

We will now overview the timing requirements for edge-triggered sequential circuits, which
consist of combinational blocks that lie between D FFs. The basic parameters associated with an
FF can be summarized as follows:

®m The data input of the register, commonly referred to as the D input, must receive
incoming data at a time that is at least 7, units before the onset of the latching edge of
the clock. The data will then be available at the output node, Q, after the latching edge.
The quantity, T, is referred to as the setup time of the FF.
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® The input, D, must be kept stable for a time of T), units, where T, is called the hold time,
so that the data can be stored correctly in the FF.

B For each FF, there is a delay between the time the data and clock are both available at
the input and the time when the data are latched; this is referred to as the clock-to-Q
delay, T,.

In the edge-triggered scenario, let us consider two FFs, FF; and FF;, connected only by purely
combinational paths (see Figure 6.9). Over all such paths i->j, let the largest delay from FF, to
FF; be D(i, j) and the smallest delay be d(, /). Therefore, for any path i->j with delay d, it must
be true that

d(i,j) <d < D(i,j).

We will denote the setup time, hold time, and the maximum and minimum clock-to-Q delays of
any arbitrary FF FF, as Ty, T, and A, and §,, respectively. For a negative edge-triggered FF, the
setup and hold time requirements are illustrated in Figure 6.8. The clock is a periodic waveform
that repeats after every P units of time, which is called as the clock period or the cycle time.

Another important component in timing analysis is the clock network that is used to distribute
the clock signal throughout the chip. In early stages of the design, it is often considered that the clock
network is ideal, that is, there is zero skew between the arrival times of the clock at each memory
element as the clock signal arrives at each memory element at exactly the same time. After physical
design, the latency of the clock network must also be incorporated in the analysis. For every FF FF,,
let CLK; represent the delay of the clock network between the clock generator and FF,.

The timing constraints for edge-triggered circuits guarantee that data transfers between pairs
of FFs are neither too slow (setup constraint) nor too fast (hold constraint). In every constraint,
two competing paths are always involved (represented by dotted lines in Figure 6.9):

1. Launching path, which is the path starting at the clock generator and covering the logic
from launching FF (FF) to the capturing FF (FF)

2. Capturing path, which is the path starting at the clock generator and delivering the clock
to the capturing FF (FF)

Let us now analyze the two timing constraints that guarantee correct data transfers.

6.5.2.1 SETUP CONSTRAINT

For any pair of FFs, FF, and FF, connected by a combinational path, the setup constraint guaran-
tees that data transfers i->j are not too slow. In a generic form, it can be stated as

Delay(Launching path) +T;; < P + Delay(Capturing path)

< Cycle time P o
! |
Clock
Setup time Setup time
! | ! |
D
\ \“
] 1 1 T : T
| ~ | ™
Hold time Hold time

FIGURE 6.8 lllustration of the clocking parameters for a register. (From Sapatnekar, S.S., Timing,
Kluwer Academic Publishers, Boston, MA, 2004.)
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FIGURE 6.9 Timing paths for setup and hold constraints.

given that data launched at FF, must arrive at FF; one cycle later, preserving the setup time (T;) of
the capturing FF. If we consider the components of each path, the constraint is as follows:

(6.5) CLK; +A; + D(i, j)+T;, < P+ CLK;

It is interesting to realize that the terms CLK; and CLK; cancel each other out when an ideal clock
with zero skew is assumed.

Since this constraint places an upper bound on the delay of a combinational path, it is also
called the “long-path constraint.” Alternatively, this is also referred to as the “zero clocking
constraint,” because the data will not arrive in time to be latched at the next clock period if the
combinational delay does not satisfy this constraint.

6.5.2.2 HOLD CONSTRAINT

This constraint guarantees that data transfers are not too fast. The constraint is necessary to pre-
vent a fast transfer from overriding the previous data before the capturing FF has stored it. The
generic form of this constraint is

Delay(Capturing path) + 7}, < Delay(Launching path)

Under this constraint, the data must be stable for an interval, that is, at least as long as the hold
time after the clock edge (7j,), if it is to be correctly captured by the capturing FF (FF). Given that
the launching path is at the right-hand side of the inequality, the shortest possible delay, d(, ),
must be considered for the combinational paths. More specifically,

(6.6) CLK; +T),; <CLK; +96; +d(i, j)

Since this constraint puts a lower bound on the combinational delay on a path, it is referred to as
a “short-path constraint.” If this constraint is violated, then the data in the current clock cycle are
corrupted by the data from the next clock cycle. As a result, data are latched twice instead of once
in a clock cycle, and hence, it is also called the “double clocking constraint.”

Notice that for an ideal clock network with zero skew (CLK; = CLK)), if the minimum clock-to-Q
delay of FF; is greater than the hold time of FF, that is, ; > T}, (this condition is not always true in
practice), then the short-path constraint is always satisfied.
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An important observation is that both the long-path and the short-path constraints refer
to combinational paths that lie between FFs. Therefore, for timing verification of edge-triggered
circuits, it is possible to decompose the circuit into combinational blocks and to verify the
validity of the constraints on each such block independently. This is not so for level-clocked
circuits, which present a greater complexity to the timing verifier.

6.6 TIMING ANALYSIS IN THE PRESENCE OF VARIATION
6.6.1 SOURCES OF VARIATION

Integrated circuits are afflicted with a wide variety of variations that affect their performance.
Essentially, under true operating conditions, the parameters chosen by the circuit designer are
perturbed from their nominal values due to various types of variations. As a consequence, a
single SPICE-level transistor or interconnect model (or an abstraction thereof) is seldom an
adequate predictor of the exact behavior of a circuit. These sources of variation can broadly be
categorized into two classes, both of which can result in changes in the timing characteristics
of a circuit.

Process variations are one-time shifts that result from perturbations in the fabrication pro-
cess, which cause shifts from the nominal values of parameters such as the effective channel
length (L), the oxide thickness (t,,), the dopant concentration (N,), the transistor width (w),
the interlayer dielectric (ILD) thickness (¢;,), and the interconnect height and width (4,,, and
W,,» respectively).

Environmental variations are run-time changes that arise due to changes in the operating
environment of the circuit, such as the temperature or variations in the supply voltage (V,, and
ground) levels, or due to changes in the behavior of the circuit as it ages. The chief aging effects
that impact circuit timing are bias temperature instability and hot carrier injection, both of
which tend to cause transistor threshold voltages to increase with time, thus increasing gate
delays.

Variations can also be classified into the following categories:

Interdie variations are the process variations from die to die and affect all the devices on
the same chip in the same way. For example, they may cause all of the transistor gate
lengths of devices on the same chip to be larger or all of them to be smaller. These may
be across-die variations in the same wafer, or across-wafer variations within a lot, or
variations across lots of wafers.

Within-die variations correspond to variability within a single chip and may affect differ-
ent devices differently on the same chip. For example, they may result in some devices
having smaller oxide thicknesses than the nominal, while others may have larger oxide
thicknesses. In addition to process factors, within-die variations may also be caused by
environmental variations such as temperature and V,, factors.

Interdie variations have been a long-standing design issue, and for several decades, designers
have striven to make their circuits robust under the unpredictability of such variations. This has
typically been achieved by analyzing the design not just at one design point but at multiple corners.
These corners are chosen to encapsulate the behavior of the circuit under worst-case variations
and have served designers well in the past.

Unlike interdie process variations, whose effects can be captured by a small number of STA
runs at the process corners, a more sophisticated approach is called for in dealing with within-die
process variations. This requires an extension of traditional STA techniques and can be addressed
in two ways: either by adding on-chip variation (OCV) parameters to corner-based approaches
(Section 6.6.2) or by using SSTA, which treats delays not as fixed numbers, but as probability den-
sity functions (PDFs), taking the statistical distribution of parametric variations into consideration
while analyzing the circuit (Section 6.6.3).
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FIGURE 6.10 An example to illustrate structural correlations in a circuit.

Within-die variations may show some correlations due to the following:

Spatial correlations: To model the within-die spatial correlations of parameters, the die region
may be tessellated into 7 gridded rectangles. Since devices or wires close to each other are
more likely to have similar characteristics than those placed far away, it is reasonable to
assume perfect correlations among the devices (wires) in the same rectangle, high correla-
tions among those in nearby rectangles, and low or zero correlations in far-away rectangles.
Under this model, a parameter variation in a single rectangle at location (x, ) can be mod-
eled using a single random variable p(x, y). For each type of parameter, » random variables
are needed, each representing the value of a parameter in one of the # rectangles.

Structural correlations: The structure of the circuit can also lead to correlations that must be
incorporated in SSTA. Consider the reconvergent fanout structure shown in Figure 6.10.
The circuit has two paths, a—b—d and a—c—d. If, for example, we assume that each gate delay
is a Gaussian random variable, then the PDF of the delay of each path is easy to compute,
since it is the sum of Gaussians, which admits a closed form. However, the circuit delay is
the maximum of the delays of these two paths, and these are correlated since the delays of
a and d contribute to both paths. It is important to take such structural correlations, which
arise due to reconvergences in the circuit, into account while performing SSTA.

Process variation effects fall into one of the following two categories:

1. Random variations depict random behavior that can be characterized in terms of a dis-
tribution. This distribution may either be explicit, in terms of a large number of samples
provided from fabrication line measurements, or implicit, in terms of a known PDF (such as
a Gaussian or a lognormal distribution) that has been fitted to the measurements. Random
variations in some process or environmental parameters (such as those in the temperature,
supply voltage, or L,;) can often show some degree of local spatial correlation, whereby
variations in one transistor in a chip are remarkably similar in nature to those in spatially
neighboring transistors, but may differ significantly from those that are far away. Other
process parameters (such as ¢,, and N,) do not show much spatial correlation at all so that
for all practical purposes, variations in neighboring transistors are uncorrelated.

2. Systematic variations show predictable variational trends across a chip and are caused
by known physical phenomena during manufacturing. Strictly speaking, environmental
changes are entirely predictable, but practically, due to the fact that these may change
under a large number (potentially exponential in the number of inputs and internal
states) of operating modes of a circuit, it is easier to capture them in terms of random
variations. Examples of systematic variations include those due to spatial within-chip
gate length variability, which observes systematic changes in the value of L ; across a
reticle due to effects such as changes in the stepper-induced illumination and imaging
nonuniformity due to lens aberrations or ILD variations due to the effects of chemical—-
mechanical polishing on metal density patterns.
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6.6.2 CORNER-BASED TIMING ANALYSIS

Given the infeasibility of modeling the behavior of a circuit at all points of the space—time
continuum, timing analysis is performed over a discrete set of points of that space.

For an edge-triggered circuit, the first level of discretization is in the time dimension
reducing the problem to a one-cycle timing analysis under the assumption that the synchroni-
zation of the circuit is done with a constrained clock signal that has a fixed period with small
fluctuations (jitter). In this way, timing analysis is only required for paths between sequential
elements during one cycle, using an assume-guarantee paradigm for timing verification, that is,

if the setup and hold constraints were met for all sequential elements at cycle i, then they must be met
atcycle i + 1.

With this inductive reasoning, timing correctness is guaranteed for any unbounded sequence of
cycles.

6.6.2.1 CORNERS

The second level of discretization is on process (P) and environmental variations, that is, voltage
(V) and temperature (T). For each parameter, a discrete set of representative values is defined,
and a subset of points in the corresponding axis of the discrete grid is selected.

A typical example is shown in Figure 6.11. For process variability, the selected values
represent different carrier mobilities for the NMOS and PMOS devices, respectively. The S (slow)
and F (fast) values usually correspond to variations of the carrier mobilities that produce delays
at +30 or +60 from the typical (7') values.’

The voltage dimension has a central point representing the nominal voltage (e.g., 1.0 V) and
two extra points representing the maximum and minimum values achievable by the potential
fluctuations around the nominal voltage, typically +10%. Additional values can be included if
voltage scaling can be applied to the circuit.

For temperature, manufacturers define different grades according to the application domain in
which the circuit is going to be used, for example, industrial, automotive, and military. Each grade
has a different range of operating temperatures, for example, [-40°C, 125°C] and [0°C, 85°C].
The extreme values of different grades are selected for the discrete grid, along with some values
representing a typical ambient temperature (25°C).

A corner is a point in the discrete Process/Voltage/Temperature (PVT) grid of variability, for
example, (FF, 1.1V, -40°C). Manufacturers select a set of corners in the PVT grid and provide a
characterization of the devices and wires at each corner.

Temperature
-40 0 25 125

1.1 ./

Voltage

TT ooe'%%
Q&

0.9 FF

FIGURE 6.11 Discrete representation of corners.

* After physical synthesis and parasitic extraction, a new dimension with a discrete set of values for the RC interconnect
delays is also incorporated into the grid.
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6.6.2.2 GLOBAL AND LOCAL VARIABILITIES

Given the high correlation manifested in the variability of devices and wires located in the same
chip, it would be overly conservative and unrealistic to assume that two devices of the same chip
may operate at opposite corners of the PVT space. As previously mentioned, interdie variations
affect all devices on the same chip in the same way. Additionally, environmental variations also
have a high spatial correlation and a similar impact on neighboring devices.

Corner-based timing analysis is an approach to incorporate variability information in a way
that is both computationally affordable and not overly pessimistic. It is the most widely used
approach in current design flows. The mechanisms for incorporating variability in timing
analysis are as follows:

Library corners to model global variations. With this mechanism, all devices and wires are
assumed to experience a uniform variability across the die. Timing analysis is performed
independently for a selected subset of corners.

Derating factors to model local variations. This is often referred as “on-chip variability.”
With this mechanism, the delay of each component in a timing path is scaled by a
derating factor that models the variability with regard to other competing paths in the
timing constraints.

Clock uncertainty to model the variations of the clock period with regard to the nominal
period (jitter). Given that the nominal period is a global constant during timing analysis,
clock uncertainty is specified as a fixed margin subtracted from the nominal period, for
example, 100 ps.

Guardband margins to model any pessimism derived from variations and uncertainties not
covered by the previous mechanisms. Usually, these margins are used to cover the
inaccuracy of the modeling and analysis tools, unknown variability parameters, imper-
fect coverage of the test vectors, etc.

In practice, clock uncertainty and guardband margins can be consolidated and specified as
only one margin that covers both concepts.

6.6.2.3 MULTICORNER MULTIMODE STA

Analyzing the timing of a circuit under any possible operating scenario is an impossible task since
most of the technological and environmental parameters can take on a large number of allowable
values. Instead, designers only consider a discrete subset of representative scenarios. The conjec-
ture (or hope) is that a valid timing for these scenarios guarantees a valid timing for any scenario
using certain guardband margins. These scenarios correspond to combinations of two conditions:
a mode (e.g., normal, test, and sleep) in which a circuit operates and a corner that captures PVT
conditions. A subset of representative PV'T conditions is defined for the FEOL layers (transistors).
Similarly, a subset of RC conditions are defined for the BEOL layers (interconnect).

Multicorner multimode (MCMM) STA performs multiple timing analyses at a selected subset
of combinations of modes, PVT corners, and RC corners, where corners model the global variabil-
ity of the circuit. OCV is modeled by applying derating factors at the launching/capturing paths.
Thus, the setup and hold constraints, (6.5) and (6.6), can be rewritten as (6.7) and (6.8), respectively:

(67) 8slaw . (CL[<1 + At + D(l:]) + T's,' ) + Tguam' <P- ijitter + Sfast . CL[<]
(68) SSIOW : (CLK/ + Th,‘ ) + Tguard < 8fas;f : (CL[<1 + 81’ + d(l’]))

The derating factors &, and 8, make the paths slower and faster, respectively. For example, to
make the launching path 10% slower and the capturing path 5% faster in the setup constraint, the
derating factors should be defined as 8, = 1.1 and §,, = 0.95. The derating factors may take
different values depending on the constraint, the corner, and the component (gate or wire).

The previous inequalities also include a guardband margin (7,,,,,) often used by designers to
account for the inaccuracy of timing analysis. Finally, the setup constraint also includes the clock
uncertainty (7},,,,) to account for the variations of the clock period.
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6.6.24 REDUCING PESSIMISM

The timing constraints (6.7) and (6.8) assume that the same derating factor is applied to all
components of the launching or capturing paths. This assumption is often pessimistic since it
does not consider the correlations of the delays between different timing paths or the mitigation
of random variability in long paths.

One interesting observation when analyzing Figure 6.9 is that the paths for the launching and
capturing clocks, CLK; and CLK, have a common part. Applying different derating factors to the
common part results in a pessimistic analysis that may lead to an overconservative clock period.
This phenomenon is called “common path pessimism” [4].

One way to reduce this pessimism is to remove the common part of the clock tree from
timing analysis in such a way that the derating factors are only applied to the unshared parts
of the launching and capturing clock paths. This approach is called “common path pessimism
removal” or “clock reconvergence pessimism removal” [4].

Some techniques propose a more advanced application of derating factors. Using the same
derating factor for all paths ignores the spatial correlation between paths located close to each
other. From statistics, we also know that the standard deviation of a sum of random variables
is significantly smaller than the sum of their standard deviations. For this reason, the local
variability of long paths is smaller than that of short paths.

Advanced on-chip variability [34] has been proposed to take into account spatial correlation
and path length. With this approach, the derating factor applied to each path depends on the
physical distance of the launching and capturing paths and on their length. A simpler approach
is location-based OCV [20] that only derives derating factors based on the distance between
paths. A more complex concept is parameterized OCV [26] that analyzes path delays using a
more sophisticated statistical timing analysis framework.

6.6.3 STATISTICAL STATIC TIMING ANALYSIS

If the statistics of process variations is known, then the distribution of delays can be determined
through an analysis that treats gate delays not as fixed numbers, but as PDFs, and determines
the distribution of circuit delay. One way to achieve this is through Monte Carlo analysis, but
this approach is computationally expensive. A class of approaches, referred to as SSTA, deter-
mines this distribution analytically, with environmental variations being typically captured by
corners.

To build a gate delay model that captures the underlying variations in process parameters, we
observe that the delay function d = f{P), where P is a set of process parameters, can be approxi-
mated linearly using a first-order Taylor expansion:

©9) d-dr Y Bf} "
Pi |,

V parameters p;

where d, is the nominal value of d, calculated at the nominal values of parameters in the set P,

{sf} is computed at the nominal values of p,, Ap; = p; — 1,0 is a normally distributed random
Pi |y
variable, and expression Ap; ~ N(0,G,,). The delay function here can be arbitrarily complex and
may include, for example, the effects of the input transition time on the gate delay.

If all parameters in P can be modeled by Gaussian distributions, this approximation implies
that d is a linear combination of Gaussians, which is therefore Gaussian. Its mean 1, and variance

2

c, are

(6.10) Ha = do
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2
(6.11) cﬁzZ{g} o, +2Z[§£} [g} cov(p;, p;)
g Vi#j to J o

Vi 0

where cov(p;, p;) is the covariance of p; and p;.

This approximation is valid when Ap;, has relatively small variations, and hence, the first-order
Taylor expansion is adequate and the approximation is acceptable with little loss of accuracy.
This is generally true of the impact of within-die variations on delay, where the process parameter
variations are relatively small in comparison with the nominal values, and the function changes by
a small amount under this perturbation. Hence, the delays, as functions of the process parameters,
can be approximated as normal distributions when the parameter variations are assumed to be
normal. Second-order expansions have also been explored to cover cases where the variations
are larger.

The task of SSTA is to translate these gate delay distributions to circuit delay probabilities
while performing an STA-like traversal. In other words, STA must be generalized to handle
probabilistic delay functions. The operations in STA are of two types:

1. A gate is being processed in STA when the arrival times of all inputs are known, at which
time the candidate delay values at the output are computed using the sum operation that
adds the delay at each input with the input-to-output pin delay.

2. Once these candidate delays have been found, the max operation is applied to determine
the maximum arrival time at the output.

For uncorrelated Gaussian parameter variations, the approach in [17] maintains the invariant
that the arrival time at each gate output is given by a Gaussian random variable. Since the gate
delays are Gaussian, the sum operation is merely an addition of Gaussians, which is well known
to be a Gaussian. The computation of the max function, however, poses greater problems. The set
of candidate delays are all Gaussian so that this function must find the maximum of Gaussians.
Such a maximum may be reasonably approximated using a Gaussian [11].

For spatially correlated variations, the analysis can be significantly more involved. The
approach in [8] presented a computationally efficient method that uses principal component
analysis (PCA) [25] to convert the set of underlying correlated random variables, representing
process parameters, into a set of uncorrelated variables in a transformed space; the PCA step can
be performed as a preprocessing step for a design. Such as in [10], a PCA-based approach main-
tains the output arrival time at each gate as a Gaussian variable but represents it as

(6.12) a(pros Pu) = a5 + Zkipi + K1 Pt

i=1

where the primed variables correspond to the principal components of the unprimed variables
and maintain the form of the arrival time after each sum and max operation. The broad outline
of the approach is shown in Table 6.1; for details, see [8,9]. The cost of this method corresponds to
running a bounded number of deterministic STAs, and it is demonstrated to be accurate, given
the statistics of P. A PCA-based approach that has been used extensively in industry is described
in [37].

Further generalizations of this approach correspond to the use of nonlinear Taylor series for
nonlinear delay functions, and the extension to the case where the underlying parameter vari-
ations are non-Gaussian. For the nonlinear Gaussian case, a moment-based approach can be
employed [22,23,38]. For the linear case with general parameter distributions, the approach in
[32,33] orthogonalizes Gaussian parameters using PCA, and non-Gaussian parameters using
independent component analysis [16], and propagates arrival times in the circuit to obtain its
delay PDF.
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TABLE 6.1 Overall Flow of a PCA-Based SSTA Framework
Input: Process Parameter Variations

Output: Distribution of Circuit Delays

1. Partition the chip into n = nrow X ncol grid rectangles, each modeled by spatially correlated variables.

2. For each type of parameter, determine the n jointly normally distributed random variables and the
corresponding covariance matrix.

3. Perform an orthogonal transformation to represent each random variable with a set of principal
components.

4. For each gate and net connection, model their delays as linear combinations of the principal

components generated in step 3.

5. Using sum and max functions on Gaussian random variables, perform a CPM-like traversal on the
graph to find the distribution of the statistical longest path. This distribution achieved is the circuit
delay distribution.

6.7 CONCLUSION

This chapter has presented an overview of techniques used for STA. The exposition has focused
mainly on edge-triggered circuits, and similar principles are used, with greater computation, to
handle level-clocked circuits where multicycle paths are possible.

STA provides diagnostics that predict the timing correctness of a design. If some timing con-
straints are violated, the design must be changed to fix those violations. For setup constraints, com-
mon strategies include the reduction of T,,, by transformations such as logic restructuring, gate
sizing, placement modification, retiming, and clock skew optimization. If such modifications do not
help in meeting the timing constraint, then lengthening the clock period (P) is always a choice that
involves a loss of performance. Hold constraints are inherently independent of the clock period, and
the usual method to resolve them is to make T}, longer by undersizing gates or adding buffers. In
doing so, care must be taken not to affect the critical paths that determine the clock period.

Compared to the introductory view of STA outlined in this chapter, real-life design problems
involve further complications, such as cycle borrowing across clock cycles when latches or
deliberate skew (or both) are used, setup constraints for clock gating, data-to-data constraints,
and minimum pulse width checks. Although these issues are not explicitly treated here, the
techniques used to address them are all based on methods discussed in this chapter.
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7.1 INTRODUCTION

Structured digital circuits, such as datapaths, programmable logic arrays (PLAs), and memo-
ries, are regular in both netlist and layout. Structured digital designs usually involve mul-
tibit signals and multibit operations, and hence, regularity occurs naturally. Regularity in
designs is desirable because regular circuit structures offer compact layout and good delay
estimation.

One motivation for using regularity is the so-called timing closure problem, which arises
because design flows are sequential and iterative; early steps need to predict what the later steps
will accomplish. Inaccurate prediction leads to wrong decisions that can only be diagnosed
later, resulting in many design iterations. In the deep submicron (DSM) domain, wiring delays
dominate gate delays [1], thereby increasing the importance of obtaining good estimates of
wiring effects early in the flow. Structured circuits, because of their layout regularity, allow
more accurate area and timing estimation. Also, regularity provides better guarantees that
the structured design layout is faithfully replicated in the fabrication. The reasons for this are
subtle but can be summarized as follows. As the mask-making system approaches the physi-
cal limits of fabrication, the actual layout patterns on the wafer become different from those
during design phases. To compensate these gaps, techniques like optical proximity correction
(OPC) are used. However, the number of layout patterns generated by a conventional design flow
can lead to OPC requiring an unreasonable amount of time and generating an enormous data
set. Regular patterns from structured digital designs can reduce these requirements as well as
reduce the discrepancies between the design and fabrication results by using fewer and simpler
layout patterns.

Unfortunately, today, structured digital designs are supported by less automation than the
unstructured designs. Manual design is common, with computer aids limited to layout editing,
design rule checking, and parasitic parameter extraction and simulation. Automatic struc-
tured digital design is challenging because a complete structured design flow involves almost
every step of a conventional flow, with important differences at every step. This means that an
entirely new design flow and a whole set of new algorithms need to be developed to explore
important aspects of structural regularity. This subject area is still far from being mature.
However, several promising datapath detection and automated layout techniques have been
reported, shedding light on possible fully automated structured digital design methodology.
In this chapter, we focus on automation techniques for structured design and review some
of the algorithms and methodologies being developed. These can be individually employed,
supplementing existing conventional flows, or they can be organized in a new flow specific to
structured digital design.

The use of regularity is not limited to structured circuit modules. Regular full-chip structures
also exist. Gate arrays (GAs), a regular array of transistors and routing channels, have been used
for years. New regular chip architectures have emerged recently, including structured applica-
tion-specific integrated circuits (SASICs) and via-patterned GAs (VPGAs). These technologies
will be reviewed as well.
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7.2 DATAPATHS

A datapath is a type of circuit structure that performs multibit operations and exhibits logical
and physical regularity. It is often used in the design of arithmetic units. A datapath is composed
of a set of datapath components, control logic, and their interconnections.

A datapath example is illustrated in Figure 7.1. The vertical data flow and the horizontal control
flow are orthogonal. Along the data flow, which consists of multiple slices, lie multibit functional
components including multiplexers, adders, multipliers, and registers, called the datapath com-
ponents. Each datapath component forms a stage. The logic parts within a functional component
that are separated by registers are also treated as stages. Due to pipelining, some datapath
components, like the top component in the figure, are partitioned into stages. Note that the data
flow represents the main direction in which multiple data bits transit (vertical in the figure). Some
components, like those of stage,, can have their own internal data direction that is orthogonal
to the main data flow. It is also possible that some data bits shift as they enter the next stage, like
those at stage,. The regular schematic can be easily translated to a regular layout keeping the
arrangement of the stages and slices intact. In some cases, the data flow might be too long to
implement in one single set of slices, requiring datapath partitioning and floorplanning
techniques, which will be discussed in Section 7.2.2.3.

7.2.1 DATAPATH COMPONENTS

Datapath components are function blocks that realize certain multibit arithmetic or logic opera-
tions. There are many references about the details of the structures and functionalities of these
components [2]. Here, we briefly describe adders and multipliers, focusing on the trade-offs
between area, delay, and regularity. Some complex datapath components are often pipelined to
reduce the clock cycle. Pipelining is not described in this chapter.

7211 ARITHMETIC OPERATORS

Datapath logic constitutes a significant portion of a general-purpose microprocessor and
frequently occurs on the timing-critical paths in high-performance designs. Basic arithmetic
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FIGURE 7.1 A datapath example.
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operations, such as addition, subtraction, comparison, and multiplication, are most frequently
used in datapath logic and often dictate the performance of the entire chip. This section describes
how a comparator, a subtracter, and a multiplier can be implemented using an adder, thus facilitat-
ing the logic and physical design benefits of parallel prefix adder expansion that will be described
in Section 7.2.2.1. For simplicity, integer operands are assumed. The implementation of floating-
point operations can be derived from integer operation implementation.

Comparator: Comparators perform one of the four possible operations—(a > b), (a > b), (a < b),
(a < b)—on two n-bit integers. The logic implementation of all four comparisons can be derived
from the operation (a > b). The operation (a < b) can be implemented using (a > b) by interchang-
ing the operands a and b. The operation (a > b) = !(a < b). Similarly, (a < b) = !(a > b). An n-bit
operation (a,,_y,..., dq > b,_3,..., by), where n — 1 is the most significant bit (MSB) and 0 is the least
significant bit (LSB), can be recursively described as follows: the value of (a,,_y,..., 4y > b,_y,..., by) is
true when either (a, , > b, ;) or [(a,_, = b, ;) and (a,,_,..., ag > b,_,..., by)]. Thus,

(an—lr- .40 > bn—ll' . .,b()) = (an—l !b,,_l)V [(an—l @ bn—l) . (ﬂn_z,. 7 > bn—Z!' . .,bo)]
or
(71) (an—lv <o dy > bﬂ—l" . ~rb0) = (an—l !bn—l)v [(an—lv bn—l) '(an—zy- cody > bn—27~ . ~,bo)]

Note that this equation is the same as the expression for the carry-out signal of a parallel prefix
adder with operand b inverted. Hence, the comparator operation (a > b) can be expressed using
an adder, as shown in Figure 7.2.

Subtracter: Subtracter performs the z = a — b operation on two n-bit numbers a and b,
producing an z-bit number z.* The subtract operation, (@ — b), can be expressed as an addition
operation as (a4 + —b). In the widely used two’s complement notation for representing negative
binary numbers, the value of —b is (16 + 1). The implementation of a subtracter using an adder is
shown in Figure 7.2.

Zp-1 21 2

Comparator
Z=a>b
Z=Cout
Adder
Adder
b,_1 by %1 %o
agy a1
b 0 b n-1
20 24 Zp-1 20 21 Zp-1
Adder
Subtracter Adder Multiplier
z=a-b z=axb
c. =1
" ao %n-1 Partial products
b 0 b n-1

ag a1 by by,

FIGURE 7.2 The implementation of comparator, subtracter, and multiplier using an adder.

* A carry (borrow)-out is needed, the HDL would pad the operands with an extra bit making it an (n + 1)-bit subtract
operation.



Chapter 7 - Structured Digital Design

159

Multiplier: Multiplier performs the z = a x b operation on two #-bit numbers a (multiplicand)
and b (multiplier), producing a 2x-bit number z. One of the most commonly used implementa-
tions of a multiplier is the array multiplier. The array multiplier consists of a partial product
array, where each row is obtained by multiplying a bit from the multiplier to the multiplicand
(Figure 7.3). In each row of the multiplier, there is no carry propagation as in a normal multi-
bit adder. Instead, the carry signals are passed on to the next level. Such an adder organization
is called a carry-save adder (CSA). The final multibit adder is a conventional adder or a carry-
propagate adder. An array multiplier schematic is illustrated in Figure 7.4a. To make the layout
a rectangle, the schematic is reshaped, maintaining the array structure and the signal flow, as
illustrated in Figure 7.4b. The two input multiplicands enter the module from the left and bottom,
and the product leaves from the right and top. The diagonal connections can be implemented
with dogleg-shaped wires.

The array multiplier has a speed of N = 2# (bit width of the multibit adder) and is quite regular.
Several multiplier architectures have been proposed to optimally implement the addition of the
partial products. Improvement in speed can be achieved through rearranging the CSAs such that
the longest path is reduced from N to log N. An example is the so-called Wallace tree multiplier
illustrated in Figure 7.5 [2]. The notation Ab; in the figure means a partial product vector. The big
disadvantage of a Wallace tree multiplier is the loss of regularity in the layout. Other techniques
like Booth encoding can also be used to improve the performance of the multiplier [2].

Ay A,y Ay
x B, | B, 5..B,

A, 1By... A1ByAgB,

+A, 1B, ... A;B, AyB,

Partial product array

+A, 1B, 1. A1B, 1 AgB,

ZZn—l ZZn—Z ZO

FIGURE 7.3 The implementation of a multiplier using a partial product array and an adder.
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Carry-propagate
logic
xn-l xl xO
P & P, & X7 Xe X5 X4 X3 X3 X1 Xo
PoPr &1 &
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b,y % b, a,, by a, by a, X0 X1

FIGURE 7.4 The construction of a parallel prefix adder.
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FIGURE 7.5 An 8-bit Wallace tree multiplier.

Complex operations: Other more complex arithmetic operations, such as division, modules,
and exponentiation, can be derived from the basic operations described earlier [3].

7.2.1.2 REGISTERS

A datapath often has many pipeline stages, each separated by either register files or simply
registers. These registers connect stages of the datapath. Here, we do not refer to registers in the
control logic but to those in the main datapath flow. They are also different from the register
files in that they are not addressable architecture registers and are not designed as custom
circuits. Because large vectors of data must be moved between pipeline stages, these registers
can be 64B wide or even wider. The efficient design of these registers is a critical aspect of the
overall datapath design.
Two factors are important for datapath register design:

1. Each register bit must be carefully aligned to the data bus to minimize wire length and
wiring congestion. In a wide datapath, unaligned register allocation would result in wire
crossing between registers and other datapath components. Such unnecessary wire
crossings lead to extra congestion and delay on the datapath. Typically, the registers
should be placed in the same order as other datapath components. Figure 7.1 shows a
datapath with good alignment according to the data flow.

2. The clock driver of the registers should be designed together with the registers and
placed to minimize clock load and skew. The conventional clock-tree synthesis techniques
create a clock driver to drive registers in different stages or datapath vectors resulting in
large skews. For a wide datapath, multiple clock drivers are required to drive the registers.
The allocation and placement of those clock drivers should be planned together with the
placement and alignment of the registers.

We will discuss techniques to accomplish these two objectives in the later sections of this chapter.

7.2.1.3 OTHER DATAPATH COMPONENTS

Other datapath components, such as barrel shifters and bit-wise logic operators, are simpler than
adders, multipliers, and their variations. Unlike the carry chain in the adders, they seldom include
long combinational paths through all bits. Thus, most of these components contain a vector of
identical elements, which are individually optimized. Area and delay trade-offs for the entire
component are often unnecessary, and regularity is well preserved. Decoders and selectors also
often occur in vector form, and a regular placement of individual bits can significantly reduce
congestion and improve routability of the design.
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7.2.2 DATAPATH DESIGN FLOW

A typical design flow for a datapath is illustrated in Figure 7.6. The design input is written
in a hardware description language (HDL). Problems like resource scheduling, resource shar-
ing, and pipelining are not described in this chapter but are treated in depth in Chapter 11 of
Electronic Design Automation for Integrated Circuits Handbook. Datapath components can be
identified from the register-transfer-level (RTL) description, and a module generator creates
appropriate implementations. The rest of the circuit is compiled to a conventional RTL netlist.
At this point, the design is implemented with a list of interconnects linking gates and blocks
fully available from the design library. When a module generator is not available, those parts
of the circuit that have a certain level of regularity can be extracted from the RTL netlist by a
regularity detection algorithm [4]. Regularity extraction can also be applied to a general netlist
with or without specific datapath components. The datapath components are floorplanned
such that their relative positions in the datapath are determined and circuit timing can be
estimated based on the generated floorplan. The RTL netlist is synthesized into a gate-level
netlist, at which point datapath components are resynthesized to further improve area and
timing. The synthesis process also accounts for timing estimates based on the datapath floorplan.
Physical design begins after the gate-level netlist is finalized. The datapath floorplan is used
during placement in order to maintain the layout regularity of the datapath and the fidelity
of the timing estimation made earlier.

In the following sections, module generation, regularity extraction, floorplanning, resynthesis,
and datapath physical design are detailed. Some of these steps can be replaced or enhanced in
practice by manual design. Design automation does not conflict with manual intervention; rather,
it can serve as a means of quick evaluation and fast feasibility checking while the user is mak-
ing design changes. The design flow may also require iterations that are triggered when design
violations occur. Some commercial synthesis tools advertise “datapath awareness” and integrate
module generation, regularity extraction, and resynthesis into conventional design flows.

Module Behavioral
generation synthesis

A4

( Datapath J RTL netlist ’
components

A

Regularity j
extraction

Datapath floorplan and
timing estimation

‘ ‘ Datapath } Gate netlist ’

Datapath

floorplanning

netlist

Physical design

( Layout )

FIGURE 7.6 Datapath design flow.
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7.2.2.1 MODULE GENERATION FOR ARITHMETIC LOGIC OPTIMIZATION

Module generation is an automatic method of creating parameterized datapath components.
The input is an operator, such as addition, multiplication, or comparison with parameters like data
width and speed requirements. The output is a gate-level netlist of the datapath component fully
implemented with library cells available in the target technology. Generation of a hard datapath
component with its layout requires a library of predesigned modules. This can happen if compo-
nents laid out in previous designs are kept for reuse, provided that the fabrication technology is
unchanged. The generation of an adder, for instance, may involve a set of known structures such as
ripple-carry adder, carry-lookahead adder (CLA), carry-bypass adder, carry-select adder (CSA),
or ling adder. The type of structure, the area, and delay estimates are chosen for the required bit
width and timing, using empirical equations or lookup tables (LUTs). It is preferable to generate
the smallest module that meets the timing requirement. Module generation is highly technology
dependent, and switching to a different technology may favor entirely different modules under the
same functional and timing requirements. The parallel prefix form of CLA is widely used because
of the flexibility it offers in the logic structure. Therefore, we further discuss parallel prefix adders
in this section.

Parallel prefix adders: Figure 7.4 shows the construction of a parallel prefix adder. The input
operands a and b are two n-bit numbers and the output operand is z. At the input side, a propa-
gate p; and a generate g; signals are obtained for each bit of the adder. The pair of signals {p,, g;} for
all the bits are then used to obtain the carry outputs y; of the adder. The carry outputs are then
combined with the half sum (a; @ b,) to obtain the outputs z; of the adder. The carry-generation
logic accounts for most of the area, delay, and power of an adder.

The carry-generation logic is a prefix computation with several choices of structure. A prefix
computation on an ordered set of # inputs x,, x;,..., X, ; (Where x,, ; is the MSB and x, is the LSB)
and an associative operation o produce an ordered set of n outputs defined as follows:

Yi = %0 X;_10...0 Xy Vi€ [0, n—1]

Note that the ith output depends on all previous inputs x; (j < i). A prefix graph of width 7 is
a graphical representation of a prefix computation. It is a directed acyclic graph (with # inputs
and n outputs) whose nodes correspond to the associative operation o in the prefix computation,
and there is an edge from node v, to node v, if v; is an input operand for v,. Figure 7.4b shows
the prefix graph for a ripple-carry adder. An introduction to the theory of prefix graphs can
be found in [5].

The required bit width and timing determine the choice of structure as well as the area and
delay characteristics. The appropriate structures are generated either based on a set of known
structures or using algorithmic techniques. Adder design is also highly technology dependent,
and switching to a different technology may result in entirely different modules under the same
functional and timing requirements. Figure 7.7 shows a few possibilities for 8-bit prefix graphs.
Each subfigure is annotated with the level, fanout, and prefix graph size information. Broadly, in
the physical implementation, the number of logic levels translates to performance, the size trans-
lates to area/power, and the fanout translates to congestion and routability. Notice the trade-off
between level, fanout, and size in Figure 7.7.

Regular prefix graph generation: Regular prefix graphs are generated by defining a pattern or
rule of connectivity within the prefix graph. The regular adders that are proposed in the litera-
ture, such as those of Kogge and Stone [6], Sklansky [7], Brent and Kung [8], Ladner and Fischer
[9], Han-Carlson, Knowles, and hybrid power-efficient implementation [10] have different trade-
offs in terms of fanouts, logic levels, and sizes (or wire tracks). The trade-offs can be represented
using a taxonomy cube [2] illustrated in Figure 7.8.

Algorithmic prefix graph generation: Automated prefix graph generation techniques use algo-
rithms to search the space of prefix graphs to come up with a structure that meets the speci-
fied size, fanout, and level constraints. Several algorithms [12-17] have been proposed in the
literature. The work on algorithmic prefix graph generation has shown that in the state-of-the-art
semiconductor technologies, reducing fanout on the gates in the carry logic can improve the
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FIGURE 7.8 The taxonomy of regular prefix graph structures. (From Harris, D., A taxonomy of parallel
prefix networks, Proceedings of Asilomar Conference on Signals, Systems and Computers, 2004.)

performance of adders [16] and algorithmic techniques can generate adders with better
performance-area trade-off than regular adders, as illustrated in Figure 7.9b. Each point in the
plot represents an adder with a unique prefix graph. Points pl, p2, and p3 correspond to adders
generated with techniques presented in [16], DP (dynamic programming based area minimiza-
tion) corresponds to the adder generated with [17], and BK and KS are Brent—Kung and Kogge—
Stone adders, respectively.

Besides the selection of basic logic structures, various optimization techniques can be applied
during module generation. These techniques increase the complexity of a module generator but
can achieve more economical implementations. The generation process becomes an iterative
approach that gradually improves the initial choice of structure. In the following, we list several
such optimization methods.

72.2.11 Arithmetic Transformation  Applying arithmetic transformations to the expression
may simplify the operations, resulting in smaller area and delay. For instance, an input expression
Z=A xB+ A x Ccanbe transformed to Z = A x (B + C), saving one multiplier. Additive operands
can swap their positions to change the topology of the addition network without changing the
number of adders and the functionality [18]. The transformation allows later inputs to feed adders
closer to the end of the network, thus shortening the critical paths.

7.2.2.1.2 Operator Merge  Some complex functions involve several operations, each of which
corresponds to a known datapath component like an adder or a multiplier. However, merging
the operations may enable resource sharing among different components, reducing the area
and the number of levels of logic required. For instance, consider multiplication and accumula-
tion Z = A x B + C, which could be directly implemented as a multiplier followed by an adder.
However, it is possible to let operand C merge into the CSA tree of the multiplier to reduce the
area and delay. Such operator-merging possibilities are hard to recognize later in the resynthesis
once separate multiplier and adder are generated.
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FIGURE 7.9 (3a) The adder performance improvement by reducing max. fanout on internal gates.
(b) The adder area and performance improvement with algorithmic prefix graph generation over
regular prefix graphs such as Brent-Kung and Kogge-Stone adders.

7.2.2.1.3 Constant Propagation and Redundancy Removal ~ Some operations involve constants.
For example, consider Z = A + 3. Generating an adder with one input tied to constant “3” can
be a starting point. Then the bits of the constant are injected into the adder component, and
redundant logic gates are removed along the propagation. Similarly, unused outputs can trigger a
backward redundancy removal.

72.2.14 Special Coefficients Operations with special coefficients can be replaced by other
operations giving the same results but saving area and reducing delay. An example is Z = 21 x X.
Building a multiplier and then using constant propagation can achieve some optimization, but a
simpler way is to build an M shifter directly.
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PP |

FIGURE 7.10 Restructuring through multiplexing. (a) Faster implementation (b) Smaller implementation.

7.2.21.5 Restructuring through Multiplexing  The complex operation Z = A x X if (C = D) or
B x X if (C # D) can be implemented in two ways, as illustrated in Figure 7.10a and b. Obviously
implementation (a) is faster but larger than (b). This could be very useful for datapath design,
providing alternatives with different area and delay trade-offs.

7.2.2.1.6 Restructuring through Topology Transformations  As shown in Figure 7.11a, consider
a complex operation involving three sequential operations. Assume input A takes one among
three values A,, A,, or A;. The operation chain can be triplicated, each copy of which has
the A input fixed to one of its values. Through constant propagation, OP; can be optimized and
speeded up. The results of the three copies are selected through a multiplexer controlled by A.
The CSA is an application of this kind of generalized select transformation. Another kind is
the generalized bypass transformation [19], the application of which is the carry-skip adder.
Figure 7.11c shows an example. Inputs C and D are used to produce the bypass or skip signal,
indicating whether Z can be solely represented by the output of OP;.
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FIGURE 7.11  Restructuring through topology transformations. (a) Original operation (b) Restructuring
example with triplication (c) Restructuring example with bypass transformation.
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7.2.2.2 REGULARITY EXTRACTION

Regularity extraction can serve as a supplement to module generation. It can collect logic that
is not described in terms of datapath components but is regular in nature, for example, it
performs multibit operations. Usually, such regular logic appears in datapath components previ-
ously designed by hand. There are a few main approaches to regularity extraction. One is to cover
the circuit with templates. The other is to expand from seeds of multibit structures. Recently, a
network flow—based bit-slicing technique has been reported in the literature [4,20].

7.2.2.21 Covering Approach The covering approach is composed of two steps: template
generation and covering. A template is a subcircuit that can be instantiated multiple times in the
circuit. In contrast to standard cells, templates can be as large as an entire column of the array
multiplier. Templates can be given by the user or generated automatically from the circuit.
The covering step is similar to the technology mapping step in standard cell designs.

The example shown in Figure 7.12a contains 14 instances where library cells are used as templates.
Obviously, this is not what regularity extraction is meant to do. Figure 7.12b and ¢ shows two pos-
sible coverings of the circuit with larger templates. Even this simple example discloses two interest-
ing aspects: first, the choice of a template set greatly affects the covering result; second, the size of a
template and the number of its instantiations are contradictory. Assuming that only one instantiation
of the same template is further optimized and the rest follows the optimization result, a larger number
of instantiations are preferred. Smaller templates, which are easier to instantiate more frequently, are
more difficult to optimize. In contrast, a large template has more possibilities for optimization. The
large template in Figure 7.12c¢, for example, can be optimized into a smaller and faster one as shown in
Figure 7.12d. Therefore, generating a good set of templates is essential to regularity extraction.

Of course, templates can be generated manually, especially when the designer knows what
subcircuits need to be used frequently in the circuit. However, an automatic template-generation
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FIGURE 7.12 Regularity extraction. (a) Library-cell based template example. (b) Two library cell
template example. (c) Larger template example. (d) Optimization to a larger template.
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algorithm was developed [21] in which each pair of gates in the circuit is compared. If identical,
then the largest identical (functional and structural) fanin trees are generated for each pair of
their input pins. The gate and all its fanin trees form a template. Chowdhary et al. [21] also developed
an algorithm that generates templates with multiple fanouts.

Given a set of templates, the next step is to cover the circuit. An iterative approach with greedy
covering can be used, based on a combination of the largest-fit-first and most-frequent-fit-first
heuristics [21]. In each iteration, the template with the best covering effect—either covering the
maximum area or the maximum number of nodes of circuit subgraph—is chosen, the subcircuits
that are covered are removed, and the template set is updated. The benefit of this method is twofold.
First, it identifies a set of templates and gradually expands it per iteration. Second, it covers the
circuit by a subset of these templates and extracts regular circuit components. The iteration is
terminated when either the whole circuit is covered or no additional covering is possible.

7.2.2.2.2 Expansion Approach The expansion approach uses a template set. It starts with a
seed netlist structure or signal name that indicates regularity and then expands outward until
an entire regular structure has been identified. For instance, the net names of a bus in the input
netlist usually have the same prefix, so the driver gates of the bus can serve as seeds. Signals like
reset and preset span identical gates in multiple slices, and these gates can serve as seeds as well.

When a set of seeds is collected, the expansion starts. A seed containing one gate per slice is
chosen. The expansion in each slice must be exactly identical, with respect to gate functionality,
gate pin order, and gate interconnection. The expansion is stopped if mismatches in the slices occur.
At this point, the number of mismatched slices is compared against a threshold. If too many slices
mismatch, then the expansion is terminated. Otherwise, the slices are partitioned into two groups,
with all the matching slices combined in one group and this group is expanded further [22,23].

7.2.2.2.3 Network Flow-Based Datapath Bit Slicing  The network flow approach is to derive the
bit slices, based on flow values calculated on a network graph representation of the netlist. A flow
network is a directed graph with a source node and a sink node. Besides, each edge is assigned
with a capacity and a cost, and the flow on each edge cannot exceed the edge capacity [24,25].
Each gate is represented by a graph node, and the connections between gates are edges. All start-
ing vector gates are connected to the source node and all the ending vector gates to the sink node.
The min-cost max-flow algorithm [24] is to find the maximum number of flows from the source
to the sink with the minimum cost. An augmenting path indicates the connection path from one
starting vector gate to the associated ending vector gate, which in turn, corresponds to a con-
nection path along one-bit slice. The maximum flow in a network corresponds to the number of
identified bit slices. This step determines the matching of the starting points and ending points
per slice. For example, when the algorithm is applied to a datapath starting from A[O ... 15] to
BJ0... 15], the bits are matched as A[0] — B[0],..., A[15] — B[15]. The full bit slice can be extracted
with a two-way search approach. The two-way search is to get the fanout/fanin cones of the
starting/ending gates of each slice. Only gates identified in both searches are considered as
bit-slice gates. This approach tolerates more variations in bit-slice internal structure [4].

7.2.2.3 PHYSICAL DESIGN

Once the datapath netlist is optimized, datapath physical design (including layout) begins. The key
ideas of the datapath-driven physical design are (1) how the datapath elements are identified (or
defined) and (2) how those elements are placed and routed. The bit slice and stage information is
either maintained from the very beginning of the flow or captured during regularity extraction. If
the datapath has to be partitioned into several sets of slices during floorplanning, physical design
is performed for each set and the connections between the sets are made according to the floorplan.

7.22.3.1 Floorplanning As mentioned, components of a large datapath may be impossible
to align in a single set of slices. Thus, smaller datapath slices are constructed whenever the
data flow signals change the direction perpendicularly. The datapath floorplanning problem is
to determine the relative locations of the datapath components and thus the data flow direc-
tions. The general floorplanning problem dealing with the placement of the blocks has been
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well studied [26]. The objective is to achieve a nonoverlapping placement (locations and orienta-
tions) of all the blocks such that the total layout area and interconnection lengths are minimized.
The datapath floorplanning problem is unique in that the majority of the nets in a datapath are
buses and follow the data flow direction.

One method is to split a long set of slices into several sets and abut them side by side, as shown in
Figure 7.13a. With restriction on the total width or height, the goal is to find an optimal partitioning and
pack the slice sets such that the total area is minimized. A dynamic programming method has been used
to solve this problem [27]. Another method, as shown in Figure 7.13b, is to use a general block-packing
algorithm but with additional data flow constraints, that is, adjacent stages should be abutted with the
interconnections between them crossing no other stages. Sequence pairs, a representation used in non-
overlapping block placement [26], can be modified to take such constraints into account [28].

It is possible to regenerate some datapath components during floorplanning based on more
accurate wiring estimation [29,30]. Initially, the module generator produces implementations of
the datapath components that just meet the timing requirements, with the wiring delays ignored.
The floorplanning of the components makes available the wiring estimation, in which the
datapath components can be replaced by faster implementations if necessary. Swapping imple-
mentations of datapath components is not the only way to improve timing. Other methods,
especially when wire delays become significant, include component replication and reducing
depths (number of stages) of critical paths [31].

7.2.2.3.2 Datapath-Driven Placement and Routing  We will focus on the placement and routing
problem of one set of slices in this section. The orthogonal arrangement of the data flow and
control flow allows us to cope with two placement problems independently: the ordering of the
stages within one slice and the ordering of slices. The slices usually take their natural order, that
is, from the LSB to the MSB, so we focus on the ordering of stages.

The ordering of the stages for a set of slices might have been determined by the floorplan-
ning. However, it can be adjusted because, after resynthesis, the internal structure of the stages
as well as the interconnections between the stages may have changed. Moreover, the details like
the wiring resources, omitted during the floorplanning, could result in inaccurate estimation of
routability and timing satisfiability. The stage-ordering problem takes these aspects into account.

As illustrated in Figure 7.144, a slice contains four stages, labeled from G, to G,. The black
squares in the figure are the inputs of the stage and the white ones are the outputs. At the bottom
of the slice are the external inputs and at the top are the external outputs. The geometric width of a
bit of a stage is denoted by w(stage). A stage may have internal routing that occupies R(stage) verti-
cal routing tracks, for example, R(G.) = 1 in the figure. A signal, denoted by /,, may span several
stages. The number of signals crossing a stage is denoted by r(stage), which varies with the ordering
of the stages. As mentioned, a signal can come from an adjacent slice in an orthogonal direction,
such as the carry signal in an adder. Such special signals are also counted, although this could be
an overestimation for the leftmost and rightmost slices. The geometric width of the slice is thus

max{max[w(stage)], P x max|[r(stage) + R(stage)]}
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FIGURE 7.13 Data flow-aware floorplanning. (a) Datapath floorplanning Example (b) General
block packing-based floorplanning for datapath blocks.
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FIGURE 7.14 Ordering of the stages. (a) Original stage ordering (b) After stage ordering optimization.

where Pis the vertical wiring pitch. Timing constraints are normally transformed to signal length
constraints. The goal of stage ordering is to minimize the slice width while meeting all signal
length constraints. Several algorithms can be used to solve this problem. Starting from an initial
ordering, usually given by the floorplanning, the ordering of the stages can be altered through
simulated annealing [32]; an analytical approach is also feasible [33].

Datapaths can be specifically targeted during placement as the ordering and alignment of
gates are the key to successful datapath optimization. Traditional analytical placement tech-
niques are extended to handle datapath structures in [34—36], where the datapath is placed using
mixed-block placement techniques. Once the relevant datapath gates are clustered into multiple
macros, an existing mixed-block placement engine places datapath gates together, followed by
the within-macro datapath detailed placement. Graph automorphism—based datapath extraction
and integer linear programming-based bit-stacking selection are proposed to amend the existing
half-perimeter wirelength-driven placement [35]. With pseudonets and artificial net weights,
global placement is guided to generate a more datapath-friendly output, which is further tuned
by bit-stack-based cell swapping.

While Chou et al. [34] and Wang et al. [35] address the datapath placement problem explicitly,
Cho et al. [20] take an indirect approach to datapath placement. It first preplaces latches in the
datapath with alignment taken into consideration, and then a conventional placer can output a
more datapath-friendly placement by taking the preplaced latches as constraints. Also, extract-
ing latches from the datapath is much simpler than finding combinational datapath gates [34,35]
with the datapath bit-slicing technique in [4]. Therefore, such latch placement—based datapath
optimization can be easily incorporated into the conventional physical design flow and it has
been shown to be highly effective [20].

General-purpose routing algorithms can be employed to lay out the interconnections within
and between slices. The routing quality depends on the floorplanning and placement. A datapath-
specific router [35] uses pin rails that are small predefined horizontal segments crossing several
vertical tracks. The routing of a pin pair within a slice seeks to find a path between the two pin
rails being used to shift the path from one track to another. The algorithm starts by collecting pos-
sible paths for each two-pin connection and splitting the routing probability among them. Then
the path probabilities of all the connections are added to the tracks. If routing congestion occurs
on a certain segment of a track, some path choices (their probabilities) occupying it are removed.
Finally, each path has one and only one choice left, realizing the final routing.
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7.2.24 RESYNTHESIS

The module generation step generates datapath components based on rough or no wiring
delay estimation. Although module regeneration during floorplanning receives more realistic
timing information, it still chooses from a fixed set of classical implementations. It is often
hard to generate a datapath component that meets timing requirements and has a small area
because of the limited number of implementations created from a few classical structures.
Therefore, after floorplanning, the datapath components may still have room for further opti-
mization. On the other hand, the regularity of the datapath components should be main-
tained somehow; complete structural change of the datapath components is not desirable.
Another reason for datapath resynthesis is that a datapath component created by a module
generator is tagged with special information and forms a rigid boundary, preventing any opti-
mization involving other components or random logic. Breaking the boundary may allow
further optimization. However, it loses the boundary information and prevents the iden-
tification of the original datapath components. These two factors imply that the datapath
resynthesis should focus on the boundary between the existing datapath components and the
remaining logic.

Common logic optimization techniques can be adopted [38,39]. However, resynthesis
is limited to a subset of the netlist and only small structural changes should take place.
Peephole optimization is a useful method for this task [40]. It is a kind of pattern-driven
improvement borrowed from compiler techniques, which searches through the netlist under
optimization using a small window. The subcircuit falling into the window is compared with a
set of known patterns. Each identified pattern is replaced by another one that is better in area
or delay.

Gate sizing can also be useful in this context [41]. In some cases, upsizing gates along the
critical paths may reduce path delays, while downsizing along noncritical paths may reduce area
and power. Buffer insertion can help shield heavy loads for driver gates and improve timing.

7.2.2.5 SUMMARY OF THE DATAPATH DESIGN FLOW

The datapath design flow can be summarized as follows. The input HDL description is
translated into datapath components using module generators and random logic synthesis.
Random logic can be further processed for regularity extraction. A floorplanner determines
the relative locations of datapath components. Resynthesis is applied to explore optimization
opportunities that lie across component boundaries. Physical design is the last step of the
datapath flow where either datapath-oriented constraints are imposed on gates or datapath
latches are preplaced. The algorithms involved in the flow take advantage of the regularity of
the datapath structure.

7.3 PROGRAMMABLE LOGIC ARRAYS
7.3.1 PROGRAMMABLE LOGIC ARRAY STRUCTURES AND THEIR DESIGN METHODOLOGY

A PLA [52] is a regular structure that is widely used to implement control logic. In the following,
the PLA structure is briefly described, and then its design methodology is discussed.

As illustrated in Figure 7.15, the main elements of a PLA are two NOR arrays [42]. At each
cross point of a NOR array is either an NMOS transistor or a void (an unconnected or deactivated
transistor). The first array is called the AND plane and its output lines called products. The second
array is called the OR plane. A PLA represents the logic output functions in a sum-of-products
(SOP) form. The start—done chain controls the timing of the dynamic PLAs. Owing to its struc-
tural regularity, the area and speed of a PLA can be precisely formulated from the SOP expressions
that are implemented on it.

The layout generation of a PLA is straightforward. Since the horizontal (product) and vertical
(input and output) lines are orthogonal, they can be independently permuted. This permuta-
tion acts as placement and routing of the transistors. Hence, the simple PLA structure shown in
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FIGURE 7.15 Programmable logic array structure (dynamic).

Figure 7.15 does not need physical design. A PLA layout—generation program takes the transistor
bit maps of the two arrays and outputs a PLA layout. Note that although the PLA itself does not
require physical design, a circuit being instantiated by multiple PLAs requires placement and
routing for the PLA blocks. The synthesis of PLAs has been well studied and efficient algorithms
exist [43,38] for their optimization.

The ratio of the void transistors in the AND and OR planes to the actual transistors can be
high in many designs, wasting area and slowing down the PLA because of longer wires. As shown
in the simplified PLA diagram in Figure 7.16, the pair of inputs i, and i; can share the same
column (a pair of complementary vertical lines). The same thing applies to outputs o, and o,.
Such horizontal compaction is called column folding of the PLA [44]. A restricted version of PLA
column folding is discussed in the following. The two complementary lines of an input signal
should remain together so that there is only one input pin per input signal. At most, two signals
can share one column; hence, pins are always on the top and bottom boundaries of the PLA.
The column foldings of the AND and OR planes are separate, so the basic dual-plane structure
of the PLA is preserved. With these restrictions, the PLA column-folding problem is reduced to
separate interval-packing problems for the AND and OR planes [45]. In the literature, there are
also mentions of row-folding methods and simultaneous column-/row-folding methods [46,47],
removing the aforementioned restrictions. However, in reality, it is hard for a dynamic PLA
structure to support these more aggressive folding methods because of the arrangement of the
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FIGURE 7.16 Programmable logic array folding.
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start—done chain and the precharging circuits. In addition, too much folding may cause the input
and output pins to spread irregularly on the PLA, which in turn generates placement and routing
problems when integrating the PLA onto the chip. These techniques were popular in earlier times
when NMOS static PLAs were widely used.

The PLA technology has not seen much change for a while. Recent focus has been on (1)
the device density increase with process technology, (2) the importance of low power, and (3)
the inclusion of a broad range of intellectual property blocks such as analog-to-digital converters
and digital signal processing units.

7.3.2 OTHER PROGRAMMABLE LOGIC ARRAY STRUCTURES

The regular array structure of PLAs is attractive. A single PLA implements several two-level
logic functions. However, many logic functions cannot be efficiently implemented using only
two levels. In general, multilevel logic synthesis techniques must be adopted to represent various
logic functions [39]. A straightforward approach is to have a multilevel Boolean network, with
each node in the network being an SOP. After the minimization of the network, the nodes can be
mapped to the PLAs. However, this network of PLA approach [48] requires block-level placement
and routing, causing a loss of global regularity.

Newer PLA-based structures have been proposed. These structures not only maintain the
internal regularity of the PLA but also maintain a global regularity when putting multiple PLAs
together. The “Whirlpool PLA” is a four-level cyclic structure [49]. The Whirlpool PLA can be
synthesized with a four-level minimizer called “Doppio Espresso,” which iteratively calls Espresso
[43], a two-level minimizer, to minimize a pair of adjacent NOR arrays, that is, an SOP. Another
PLA-based structure is the “River PLA” [50], which is a stack of PLAs. Interconnections are only
present between pairs of adjacent PLAs, and these are implemented with a simple river routing
owing to the full permutability of the vertical lines in the PLAs. The synthesis of a River PLA
involves multilevel logic minimization, clustering nodes into PLAs in the stack, two-level mini-
mization for each PLA, and river routing with vertical line permutation. A checkerboard is an
array of NOR planes [51]. The synthesis algorithms developed for the checkerboard make use of
its structural regularity and flexibility. The multilevel logic network is optimized and decomposed
into a netlist of NOR gates. Then the gates are placed into the checkerboard. Input pin sharing
can occur between gates placed in the same NOR plane. Routing between the NOR planes uses
a simple spine topology, which is fast enough to allow the placement and routing to be done at
the same time. A detailed description and comparison of all these PLA-based structures can be
found in [50,51].

74 MEMORY AND REGISTER FILES
741 MEMORY

Memory components are usually generated by a memory compiler that comes with the technology
library [54]. A static RAM (SRAM) compiler is discussed here. Although other memory struc-
tures like dynamic RAM and read-only memory have different memory units and surrounding
logic, they use very similar compilation techniques.

Large SRAM blocks can be manually partitioned into smaller SRAM banks and floorplanned,
or the compiler can be given some predefined partitioning schemes and floorplans [55]. Each
bank has a small set of choices of implementations, which differ in area, performance, and power.
When input parameters like the address space and the choice of area and speed are given, the
memory compiler simply tiles an array of predefined memory unit cells and places peripheral
elements like the row decoder and sense amplifiers around the memory array. The output of a
memory block compilation includes a layout (which could be an abstracted view of the actual
layout), a behavioral model, and a Simulation Program with Integrated Circuit Emphasis (SPICE)
model. In the following discussion, we focus on how the memory compiler itself is created; in
other words, how the memory unit cells and the peripheral elements are systematically, and, to



174

74 Memory and Register Files

A[SO] DOUT[7:0] DIN[7:O] W/R

Column decoder/MUX/DEMUX/

sense amplifier

[ e g
>
SX /-".
/ E : O—f —0
a —
8 ECEEe "
Memory unit
4, |desdes sy d, d\|[dy dy

o T4 O
0

o}
i

LX
FIGURE 7.17 A 512 x 8-bit static RAM example.

some extent, automatically designed. Although the work can still be done manually, it is much
more complicated than the design of a standard cell.

The problem can be stated as follows. Given the address space 2%, data bit width 22, and speed
requirement F, determine s, and s,, the X/Y size of the memory unit, the number of rows (27),
and the number of columns (2¢) such that the speed requirement is satisfied while the total area
is minimized. In the statement, the speed requirement F is abstracted, which in reality could
represent a set of timing requirements, such as read delay, write delay, and so on.

In Figure 7.17, a simplified 512 x 8-bit SRAM structure is shown. The main body is an array of
27-row-by-2¢-column memory units. Note that 2c = 2N-"B. Figure 7.17 also shows the structure of
a typical six-transistor SRAM unit. The high part of the address A[N—1: N—r] is decoded, and one
of the 2" rows is activated. The activated row enables all the memory units in that row, which are
connected to the complementary vertical bit-line pairs. If the SRAM is operating in read mode,
then the lower address A[N — r — 1:0] selects B data bits by the multiplexers and the signals are
regenerated by the sense amplifiers. If the SRAM is operating in write mode, then the data input
D,y is demuxed to the corresponding complementary bit-line pairs by A[N — r — 1:0].

As most of the SRAM area is occupied by the memory bit units as shown in Figure 7.17, as most
of the SRAM area is occupied by the memory bit units, it is reasonable to let s, and sy, rather than
the sizes of row decoder, sense amplifiers, etc., to determine the column width and row height.
The area of the SRAM block is approximately 27 * s, s,, and this is what we want to minimize.
For simplicity, we will assume that sy and s, are equal and are written as a single variable s. The
sizes of the row decoder and column peripheral circuits are denoted by s, and s,, respectively. The
problem, with extensive abstraction, can be formulated as

variables :s,$y,8,,7,¢
minimizing s
subject to

s2§,

aspect_ratio(s,r,c) < ASP

f(s,r,c,hl (s,sl,c),hz (s,sz,r)) >F
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The first constraint means that the memory unit cannot be so small that, for example, the sense
amplifiers cannot be properly laid out. S is the lower bound for s. The second constraint limits the
aspect ratio of the block by ASP,. The third constraint represents the performance requirement.
Performance f, a set of various speeds, is a function of the memory unit size, row and column
numbers, row decoder performance /,, and column periphery performance /,. Given memory
unit size s, the word line capacitance can be extracted. Together with the load capacitance of a
memory unit cell, which is also a function of s, the total load of a row on the row decoder can be
computed. When the row decoder is sized to s,, its performance /, can be calculated. Similarly, /,,
the performance of the column periphery, can be calculated. The overall performance f depends
on r, ¢, hy, h,, and the cell performance. Strictly speaking, memory unit performance is state
dependent. For example, when computing the write delay for a memory unit, the previous value
of its memory state matters. As a result, fis actually the minimum performance among all possible
state transitions (from 0 to 1, 1 to 1, and so on) [56]. The evaluation of function £, which involves
the constructions of the unit cell, row decoder and column peripheral circuits, parameter extrac-
tion, and SPICE simulation, is time consuming. The constrained optimization problem, although
nonlinear or even discrete in nature, could be solved with various techniques. Runtime spent on
finding a solution is rarely an issue, because this optimization only needs to be run once for a given
technology when configuring the memory compiler. Gradient search is a simple method to use
[56]. Exhaustive search is also possible because the number of variables (roughly the number of
transistors that need to be sized) is not large, and their ranges are usually small. Even if the sizes of
the transistors are manually adjusted, the evaluation of f can still be programmed and automated,
which greatly eases the burden of complicated extraction and simulation.

7.4.2 REGISTER FILES

A register file is a special kind of SRAM, which is usually small in memory size but has more
than one read/write port. It is widely used in microprocessors and digital signal processors as a
fast and versatile storage element. The circuit structure of the register file may differ from that
of the SRAM in order to achieve higher performance. However, the basic organization of the
memory unit array and peripheral circuits remains the same. Although register files are usually
designed by hand to achieve the highest performance, the automatic or semiautomatic optimiza-
tion similar to SRAM compilation can still be used. The optimization would now focus on the
performance rather than the area.

74.3 SPECIAL APPLICATIONS OF MEMORY

Memory can be used not only to store data but also to implement logic evaluation. A LUT is a
memory block that stores a truth table in the memory cells. The input, feeding the address of the
memory, gives the index of the memory cell that stores the output value.

A field-programmable logic array (FPGA) is a LUT-based structure, using SRAM cells to
configure logic functions and the interconnections. The design flow for FPGAs is similar to that for
standard cells, but the major difference is that the technology mapping targets LUTs as opposed
to individual gates. The output of the flow is not a layout but a bit stream that configures the LUTs.

Another application of memory is the cascaded realization of logic function evaluation [57].
As shown in Figure 7.18, the input vector I of logic function f{I) is partitioned into M disjoint
subsets labeled as 1,,1;,1,,...,1,,_;, and the evaluation of f becomes a sequence of M evaluations,
each involving only one subset of the input. The intermediate output of an evaluation is an input
to the next evaluation, joined by another subset of I. A sequential version of this approach includes
a memory containing M LUTs, a multiplexer selecting a subset of the external inputs, a register
storing the intermediate output, an output register storing the output, and a counter sequenc-
ing the whole operation. The LUTs, which can be of different sizes, need to be packed into the
memory. The partitioning of the input and the realization of the function at each stage can be
implemented by binary decision diagram manipulation. The structure is regular and very flexible
but runs at low speed.
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A noticeable trend in FPGAs is that vendors start to offer a more comprehensive platform for
extensive functionality. It is common to have embedded processor core(s), sensors, and some
specialized functional units such as specialized multipliers in modern FPGAs [60,61]. Also,
the size of embedded memory (the number of bits) grows significantly with every generation
allowing one to avoid unnecessary Input/Output (IO) communications to outside.

7.5 STRUCTURED CHIP DESIGN

In this section, we extend our view from regular circuit modules like datapaths and PLAs to
regular full-chip structures [53]. Several structures, such as GAs, SASICs, and VPGAs, as well as
their design automation are discussed. The guidelines for using these structures are also given.

7.5.1 GATE ARRAYS

Although these structures are called GAs, the name “transistor array” might be a more appro-
priate term. An example of a GA structure is illustrated in Figure 7.19a. The core of a GA is
composed of an array of basic cells, also called “bases” interleaved by routing channels. The most
widely used base structure in CMOS technology is a four-transistor block, two NMOS transistors,
and two PMOS transistors. As shown in Figure 7.19b, a base can be configured as a two-input
NAND gate by connecting the terminals of the transistors. To configure more complex gates,
such as the four-input NAND gate example in Figure 7.19b, multiple adjacent bases can be used.
All the metal layers of the GA structure are programmable. If channels exist, the metal layers
on top of the bases are used to build the internal connections of the gates; the interconnections
between the gates are built within the channels. When more metal layers are available, channels
are used to construct larger modules, and the GA becomes a sea of gates with intragate routing
taking place on lower metal layers and intergate routing on the upper ones. Masks like diffusion
layers are unchanged from design to design if the same GA template is used. The patterns on the
fixed layers are regular. Therefore, the GA structure, compared to standard cells, is more cost-
effective and manufacturable.
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FIGURE 7.19 Gate array example. (a) GA structure (b) Four input NAND gate implementation
with two input NAND bases.

The synthesis for GAs is almost identical to standard cells, except that the library cells become
master cells like the ones shown in Figure 7.19b. The area of a gate is measured by the number of
bases it occupies. The physical design for the GA modules is also very similar to standard cells.
If the GA structure contains channels, a channel router is needed; if the GA does not contain any
channel, and routing takes place over the cell, then an area router is needed.

7.5.2 STRUCTURED APPLICATION-SPECIFIC INTEGRATED CIRCUITS

Cell-based chip structures that dominate today’s integrated circuits market provide high
area utilization and performance. However, several disadvantages such as the timing closure
problem, long turnaround time, and expensive mask costs jeopardize the usefulness of the
standard cell structure to meet the fast-growing design complexity and DSM challenges. The
ultimate reason for these disadvantages is that standard cells are not regular enough, lead-
ing to timing unpredictability and manufacturability problems. SASIC is a new type of chip
structure [58,59] introduced to address some of these problems. In contrast to the transistor
array structure in the GA, it embeds a cell array on the chip. The SASIC inherits from the GA
the benefits of fewer design-dependent masks, enhancing manufacturability and saving mask
costs. Power, clock, and scan chain networks are often optimized and fixed for a particular
SASIC by the vendor. This greatly simplifies the design flow and reduces the turnaround
time. From small- to medium-volume productions, SASIC could be a good alternative to
standard cells.

The core area of a typical SASIC, as illustrated in Figure 7.20, consists of arrays of SRAM and
gate sites. A site is a physical location on the die where a few types (usually only one) of logic
primitives can be implemented. In some SASIC architectures, if an SRAM site is not used, it can
be treated as a set of gate sites. The fixed site locations reduce the number of design-dependent
masks; hence, the placement problem of logic gates and SRAM modules becomes that of assign-
ing objects to valid and vacant sites. The types of SASIC gate sites are limited compared to the
types of gates in a typical standard cell library. The lower metal layers of a SASIC are mostly occu-
pied by the internal connections and configurations of the gates and SRAM, as well as power,
ground, and clock networks. A few higher metal layers can be used for signal routing, but some
regions on these layers might be occupied by prerouted nets, such as clocks, and some of the
internal connections of the SRAMs.

The design methodology for SASICs is very similar to that for standard cells from logic
synthesis to physical design. The discussion in this chapter focuses on the unique features of
the SASIC design flow. The technology mapping for SASICs deals with a relatively small gate
library. Although this implies that some degree of optimization in technology mapping is lost,
runtime can be reduced because of fewer gate types or the algorithm can afford to use more
CPU-intensive algorithms. Gate sizing and buffering for SASICs have the same limitations and
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FIGURE 7.20 A structured application-specific integrated circuit example.

benefits due to the restricted gate choices. The placement of the cells and macroblocks must satisfy
the site constraints, that is, an object must be placed in an appropriate predefined site on the chip.
This is somewhat similar to GA placement, but the difference is that the sites of a SASIC are het-
erogeneous. A general-purpose cell placer, which is totally site unaware, would have difficulty in
translating its placement result to an assignment of gates to legal sites. The placement algorithm
needs to control site utilization during placement. An analytical cell placer could be modified
so that it alleviates not only the overall row utilization but also the utilization of different site
types. A partitioning-based placer could consider similar criteria when swapping cells across the
cuts. The power/ground routing for SASICs is normally unnecessary. Clock routing, if not fully
predesigned by the SASIC vendor, may still be needed, but it is greatly simplified because of the
regularly arranged register sites.

7.5.3 VIA-PATTERNED GATE ARRAY

Both GAs and SASICs require some metal and via layers for configuring the interconnections.
Making only via layers configurable leads to a regular chip structure called “via-patterned GA”
[60,61]. VPGAs adopt the same logic unit used in FPGAs, the configurable logic block (CLB).
A CLB consists of one or two LUTs, one or two flip-flops, and a few other elements like multiplexers.
All the metal layers are fixed. The functionalities of the CLBs are configured using lower via layers.
On top of each CLB, higher metal layers form a fixed crossbar structure, and signals are routed
through vias between these layers. Jumpers between the CLBs and the crossbars relay the signal
wires from one crossbar to another. A similar routing structure is used in the checkerboard [49], a
PLA-based regular structure described in Section 7.3.1. Using a crossbar is not the only choice for
VPGAs; switch boxes or other topologies can also be employed [60]. The only design-dependent
masks of a VPGA structure are the via layers, reducing mask costs significantly. Most other layers
are laid out in a regular and optimal way, so the manufacturability is enhanced. An example of a
VPGA is illustrated in Figure 7.21, with the internal structure of a CLB detailed. The three-input
LUT is implemented as a symmetric tree rooted at the output terminal Z. The input signals A, B,
and C and their complements control the conductive paths from Z, realizing any logic function
of the three binary inputs. The via configuration of the LUT in the example implements the logic
function Z = ABC+ABC.

Synthesis for VPGAs, including technology-independent optimization and LUT mapping, can
be borrowed largely from FPGA methodologies. Routing for VPGAs is more flexible than for
FPGAs because of the sea-of-wires crossbars. Area routing methods can be tailored to work with
the crossbar structure. Modifications come from the fact that two signals cannot share the same
segment in a crossbar of the VPGA.
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7.54 GENERAL GUIDELINES FOR STRUCTURED CHIP DESIGN

Different methodologies can be compared with respect to a number of metrics such as area,
performance, power, simpler design methodologies, lower mask costs, faster time to market, and
improved manufacturability. The last concern is difficult to quantify and motivates additional
research. It is difficult to claim that one metric is more important than the others because it
depends on the design targets and constraints. The last four metrics are becoming increasingly
important as the technology advances. GA, SASIC, and VPGA are all competitors of standard-
cell-based design, but they enjoy advantages of simpler design methodologies, lower mask costs,
faster time to market, and improved manufacturability. On the other hand, area and performance
disadvantages would prevent them from being used in high-volume and high-performance
applications. If any one of the criteria such as area or performance or power is critical (e.g., in
microprocessors or wireless applications), standard cells and manual techniques are still the best
choice. GAs require the most mask designs, but their placement and routing are more flexible and
less constrained, potentially allowing higher area utilization and performance than the SASICs
and VPGAs. VPGAs have the greatest area and performance penalties. SASICs sacrifice some
placement flexibility but maintain some routing flexibility and thus are placed between GAs and
VPGAs in terms of area and performance. FPGAs are best for fast prototyping and low-volume
applications, but they are relatively slow and use a lot of area and power. Their regularity and
programmability may increase their usage in ultra-DSM technologies. Some research suggested
that PLA-based design may compete with structured chip designs (SCs) in terms of area, perfor-
mance, and power while offering improved manufacturability and predictability.

In terms of availability of design automation tools, GAs have been on the market for a long
time, so EDA tools are readily available; Cadence and Synopsys both provide tools for various GA
design stages. Academic VPGA tools are available [58]. Most major electronic design automation
(EDA) companies as well as FPGA vendors themselves provide FPGA design tools.

7.6 SUMMARY

In this chapter, we have discussed structured digital design, including datapaths, PLAs, and memories.
Regular chip structures like GAs, SASICs, and VPGAs were also discussed. Mainstream design
automation approaches for these structures were outlined. The regularity of structured designs
can offer high performance, compact layout, reduced mask cost, and improved manufacturability
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but requires additional design effort and knowledge. Many structure-specific algorithms have
been developed to identify, maintain, and exploit regularity. In practice, many structured designs
are still prepared with little automation. However, automated layout methods for structured
designs, for example, the detection and pattern-based layouts for bit-slicing-based datapath
components, are becoming more attractive solutions as both design complexity and design
requirements increase. This area still remains critical for further research in the physical design
automation domain and promises new commercial methodologies.
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8.1 INTRODUCTION

Routing refers to the tasks, algorithms, and electronic design automation (EDA) tools that are
used throughout the integrated circuit (IC) design process to create interconnect (metallization)
shapes.* Every IC is composed of devices, including switching devices (¢ransistors) and passive
devices, that are fabricated by depositing materials layer by layer. The initial set of layers are used
to fabricate devices; the latter set of layers, collectively called metallization, supply the power and
provide the necessary connections between the devices (Figure 8.1). Routing is key in driving
power, area, cost, and performance optimization of an IC, as it influences early technology
decisions and design floorplanning, drives placement decisions, and is a principal part of physical
synthesis tools. It is also the last major construction step of IC design flows and thus heavily
impacts the productivity of a design team.

The total length of metal shapes in an IC is measured in kilometers (km) packed into an area
of a few hundred squared centimeters (cm?); today’s ICs can contain 4 km/cm? of interconnect.
Physical characteristics of a metal layer (e.g., height, minimum spacing, and minimum width)
are closely related to its electrical characteristics and are chosen to maximize performance
and wire density. A high-performance IC in 2014 can have 15 layers of metal, and each layer
can have its own height. The metal layer height increases from the bottom to the top of the
IC (Figure 8.2a), with a modern microprocessor using six different metal heights. The choice
of interconnect height varies depending on trade-offs between IC cost, electrical performance,
and design effort. The 2012 International Technology Roadmap for Semiconductors expects IC
wire density to grow by 27% every 2 years [1], with an additional metal layer added every 4 years.
Routing automation addresses the technical challenges brought by these trends of metallization

FIGURE 8.1 Image of the bottom metallization of the IBM Power8 processor.

* This chapter is a rewrite of the chapter “Routing” by Lou Scheffer in the first edition of the Electronic Design Automation
for Integrated Circuits Handbook.
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FIGURE 8.2 lllustrations of complex modern metal stacks. (a) Evolution of metal stacks, widths
and heights for the 130nm through the 32nm nodes, and (b) four layer of metal cross-section micro-
photograph including two metal heights.

complexity growth. Routers are also used by other algorithms to evaluate their quality of results
(e.g., congestion analysis in a congestion-driven placement algorithm). Routers drive other algo-
rithms (e.g., global routing for buffer insertion) and perform specialized tasks such as power,
clock, and signal routing.

This chapter gives an overview of routing topics and algorithms, along with implementa-
tion improvements and applications to other areas in EDA. The following routing tasks will be
discussed: (1) custom routing (Section 8.3), (2) digital signal routing (Sections 8.4 through 8.7),
(3) routing timing models (Section 8.8), (4) clock routing (Section 8.9), (5) interconnect synthesis
(Section 8.10), and (6) design for manufacturability (DFM) in routing (Section 8.11). The comple-
mentary task of power routing is discussed in detail in Chapter 23.

8.2 SHAPES, WIRES, VIAS, AND SHAPE CHECKING

IC routing creates a set of layered metallization shapes, where each shape describes where metals
are deposited. Even though manufactured metallization shapes are really 3D polyhedra, each
metal layer is designed with a uniform height. Therefore, the representation of each layer’s metal
shapes consists of 2D polygons. The metal layers of an IC are broken up into two classes: wir-
ing layers and via layers. Wiring layers consist of long rectangles (or wires) designed with mini-
mum width and minimum spacing requirements. Typically, each wiring layer has a horizontal
or vertical preferred direction, which alternates successively from wiring layer to wiring layer
(Figure 8.2b). Via layers consist of square shapes (or nearly square) that connect overlapping
wiring segments of neighboring wiring layers.

Signal routing (Sections 8.4 through 8.7) and clock routing (Section 8.9) methods are applied
to three concepts: nets, terminals or pins, and junctions or Steiner points. The main routing con-
cept is the net. A net is a collection of wires and vias. A complete IC design is viewed, for the
purposes of routing, as a set of nets or netlist. Nets are composed of a set of pins or terminals and
junctions or Steiner points. It is expected that all parts of a net operate at the same voltage. To
ensure this, terminals in a net are connected together by wires on a metal layer and by vias or via
cells, which connect the metal layer below, the via or cut layer in the middle, and the metal layer
above. Three or four wires meet to form a Steiner point (Section 8.5).

Terminals or pins are represented by pin shapes, which can be (1) real design shapes or
(2) virtual connection points, representing real shapes. Pin shapes represent connection targets
for a router. The router has completed connecting a net, if it has properly connected to all of its
pins. When a pin contains multiple pin shapes, they may be considered (1) strongly connected,
(2) weakly connected, or (3) must-connect. The router is allowed any number of pin shape con-
nections in a strongly connected pin. The router is limited to connect to one pin shape on a
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TABLE 8.1 Examples of Design Rules Affecting Routing That Have Emerged over the

Last 10 Years

Tech.

Node (nm) Diff-Net Spacing Rule Same-Net Rule

65 1D width table, via cluster, run-length-dependent via Short edge, min area, 1D metal-via overlap

45 2D width-width table Width-dependent metal-via enclosure

32 3D width-width-span table, 3 bodies Wrong-way width, bar via, span-based via
enclosure

22 Line end, line end to line side and interlayer via Centerline enclosure, discrete widths, coarse
edge grid

14 Double patterning metal and via, unidirectional routing Inner vertex metal to via spacing

Detailed descriptions of these rules are found in [2]. The table includes design rules between shapes in different nets, or
diff-net rules, and rules between shapes in the same net, or same-net rules.

weakly connected pin. A must-connect pin requires the router to connect to all of the pin shapes.
For simplicity, the rest of this chapter assumes single-shaped pins. Routers must avoid block-
age shapes, which represent areas where routing resources are not available for a given net. For
example, the shapes that make other nets constitute blockages.

Routing follows minimum geometric requirements imposed by the manufacturing process
in the form of design rules, which can be classified as either diff-net rules, that is, rules between
shapes of different nets (e.g., minimum-spacing rules), or same-net rules, that is, rules between
shapes of the same net (e.g., minimum-width rules). With the advent of subresolution lithography,
many new rules impacting routing have emerged (Table 8.1). At every new technology node, new
design rule types are added. Therefore, increasing design rule complexity is the principal chal-
lenge to the development of practical industrial routers.

Before the design is sent to the manufacturing facility, the design must be checked to verify
that it meets these constraints. This verification process includes design rule checking (DRC), a set
of algorithms that verifies a given set of layered shapes will pass all geometric technology rules.
A violation occurs if a DRC rule is not honored (e.g., the distance between two shapes is less than
the minimum spacing). Routers must also ensure that the routes are electrically consistent with
the original intentions of the design. When two shapes of different nets touch each other, they
form a short; when a net is not completely connected, it has opens (Figure 8.17). The process of
checking the design’s correctness is called “layout versus schematic” (LVS) checking. In the context
of routing, a subset of LVS checking, namely, connectivity checking between the terminals of a net,
is sufficient, and this process is often also called LVS checking. The results of routing are expected
to ultimately be LVS and DRC clean. The reader is referred to Chapter 20 for detailed discussions
on DRC. Additional manufacturing requirements are typically considered as DFM constraints
(Section 8.11). The reader is also referred to Chapter 22 for additional discussion on DFM.

8.3 CUSTOM ROUTING

Custom routing encompasses several routing problems that are traditionally solved with manual
techniques using an interactive layout editor [3]. Custom routing is applied when automated rout-
ers leave LVS and DRC errors, when routing is extremely regular and packed, or when the elec-
trical requirements on the routing are difficult to automate. In general, custom routing enables
an expert to address those problems beyond the reach of automated routers. Analog routing
addresses routing problems for nets that carry analog signals. These nets must not only meet
connectivity but also satisfy special, additional electrical properties. Leaf cell routing refers to the
routing problems that include connections to the transistor layers. Both analog routing and leaf
cell routing are traditional custom routing tasks where successful research efforts have resulted
in routing automation and will be discussed next.
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(a) (b) (c)

(d) (e) ()

FIGURE 8.3 lllustrations of routings with different wire traits. Filled tracks represent available
space and light-colored nonfilled shapes are shield wires. (@) Default, (b) isolated, (c) shielded,
(d) nonminimum width, (e) differential pair, and (f) shielded diff. pair.

The electrical properties of wiring are controlled through the use of wire traits (Figure 8.3),
which specify the physical properties of the wires including the layer width and spacing, a spe-
cific list of via cells, preferred routing layers, and taper rules, that is, special rules for pin access.
The complex modeling of the complete requirements for routing in modern technologies is
accomplished by several industry standard specification formats, the most popular standard for
interchange of rules and routing data being the LEF/DEF standard [2].

Analog routing is distinguished by having a large number of electrically constrained nets.
The solution of analog routing problems requires routers to strictly follow special wire-trait
constraints. These wire traits include (1) nonminimum width routing (Figure 8.3d), (2) isolated
or nonminimum space routing (Figure 8.3b), (3) shielded routing (Figure 8.3c), (4) differential
pair routing (Figure 8.3e), (5) shielded differential pair routing (Figure 8.3f), and (6) matched
or symmetric pair routing. The thinning of wires at input pins, known as tapering, and via-cell
selection at output pins also play important roles in controlling electromigration and parasitics
in analog routing. Analog routing techniques are also used in digital ICs. Section 8.10 provides
further details.

Algorithms for analog routing [4] must support nonminimum width (Figure 8.3d) and isolated
(Figure 8.3b) wire traits; the remaining more complex traits can be derived. As such, due to the
nondiscrete nature of wiring pitches, gridless routing is most suited to handle analog routing
requirements (Section 8.4).

Related to analog routing, leaf cell routing problems also exhibit specialized characteristics.
The problem instances are small, on the order of tens of nets, allowing an expert to produce
better results than an automated solution. These tasks emerge during automatic standard-cell
generation, for example. Therefore, the challenge to an automatic leaf cell router is to produce
results that are comparable or better than expert layouts, within a reasonable amount of time.
Leaf cell routing also considers the creation of required space for pins during higher-level routing
(Figure 8.4). Recent work on this problem can be found in [5].
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FIGURE 8.4 Transistor-level (a) placement and (b) routing, with routing shapes on Metall shown
in gray.

8.4 SINGLE-NET POINT-TO-POINT ROUTING

The basis of most routing algorithms is the point-to-point path search that finds a valid least-cost
path P from n, to n, on a graph G(V, E), ny, n; € V, and P C E. Formally, let G(V; E) denote the
routing graph, with vertices V' (nodes) and edges E, which connect pairs of nodes. The path cost,
cost (P), is defined as the sum of edge costs, denoted cost (e) for all e € P.

Algorithm 8.1 Pseudocode of Dijkstra’s Algorithm
Input: graph G(V,E), from node n, € Vtonode n, € V
Output: least-cost path P from n, to n,

P« 0; O« @;
for all v € V do
cost[v] <«oo0 ; parent[v] «NULL; visited[v] <«FALSE;
end for
cost[n,] < 0; v «< n,;
while v # n, and v # NULL do
visited[v] <TRUE ;
for all e = (w, v), e € E, w € V do
k « cost[v] + cost (e);
if k < cost[w] then
cost[w] <« k; parent[w] « v; Q « QU {w};
end if
end for
Find v € Q, with min cost[v], and visited[v] = FALSE;
end while
if v = NULL then
NO_PATH FOUND;
else
while v # NULL do
P« P U {v}; v « parent[v];
end while
end if
return P;

For unweighted graphs, where all edge costs are equal, a breadth-first search finds least-cost paths
in O(|V | + |E|) time, where |V] is the number of nodes and |E| is the number of edges in the
routing graph. For a weighted graph, where edge costs are nonuniform and nonnegative, that
is, cost (e) > 0, algorithms such as Dijkstra’s algorithm [6] are employed to find paths in at most
O(|E| + |V |log|V]) time. Dijkstra-based algorithms also find least-cost paths between a node and
all other nodes in the graph. Scalable routing solutions rely both on clever graph construction
methods and on the strategies chosen to manage edge costs. Algorithm 8.1 shows the pseudocode
of Dijkstra’s algorithm; Figure 8.5 illustrates a sample progression.

A standard implementation of Dijkstra’s algorithm requires O(|E| + |V |log|V|) time.
A quasi-linear time algorithm with O(|E| + |V| x f(|V])) time is possible when 0 < cost (e) < |V,
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FIGURE 8.5 lllustration of Dijkstra’s algorithm. (a) All paths from n, are considered. Node a has the least-cost node. (b) The algo-
rithm calculates the cost from nj to all the neighbors of a. (c) Every subsequent iteration considers the node with the least cost that
has not been visited. The process continues until all nodes have been visited or n, is the node with the least cost. (d) Starting from n,

the algorithm backtraces through the parents of the nodes to determine the shortest path to n,,.

cost(e) € Zs. Here, f(|V]) is dependent on the implementation of the priority-queue access time.
The first such algorithm was proposed by Dial [7] with f(|V]) = | V], but better algorithms exist [8].
Another algorithm for the single-source, shortest-paths problem with integer weights, though
not based on Dijkstra’s algorithm, achieves O(|E|) runtime [9].

In practice, the dominant factor in the runtime of path-finding algorithms is the size of the
search region O(|E| + |V/), which can be prohibitive if |E| or |V] is large. Consequently, much
of routing research has focused on methods to reduce search space. Bidirectional search starts
and expands simultaneously from both n, and #, [10]. The A*-search [11], or goal-oriented path
search, adds a lower-bound cost estimate of the unexplored portion of the path. This estimate
is then used to guide the search along the most likely path to succeed. The A*-search performs
no worse than Dijkstra’s algorithm but can speed up searches substantially in practice [12].
Bidirectional path searching can be combined with A*-search algorithms to produce even faster
path searches [13].

Several other methods for search-space reduction decrease the size of the search space by reducing
its granularity. A straightforward method is to not search beyond the bounding box of #, and #,. A
complex method, known as “global routing,” searches for paths on a coarse grid (Section 8.7.1). Once
all nets in a netlist are routed on the coarse grid, the path of coarse grid nodes is converted into a set of
contiguous areas for detailed routing, thus reducing the search space. The interval-based path search
is a detailed routing algorithm that accumulates equivalent contiguous empty grid locations, creating
regions (intervals) instead of a grid node [14]. A gridless tile-based routing performs the path search on
a map of polygons or tiles that represent free space [15]. The gridless router returns a sequence of con-
nected space polygons, which represent a point-to-point path. Space-based gridless routers result in a
smaller space search but require very fast geometric area query and update algorithms and complex
costing schemes. Another class of gridless path-search techniques, connection graph—based search,
seeks to find algorithms whose complexity is a function of the number of routing obstacles in the
search region. Connection graph—based searches lead to nonuniform grid graphs [16]. In practice,
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gridless routers produce high-quality routes, but their algorithmic overhead results in relatively high
runtimes, relegating their role to smaller-scale, difficult custom routing problems and finishing tasks.

Routing algorithms can give up the optimality of the resulting path in favor of a smaller search
time. As the traditional data structure upon which path searching is done isa 2D or a 3D grid graph
(Figure 8.9), many algorithms leverage the uniformity of the search space. The line-probe algorithm
by Hightower [17] is an early example. This algorithm expands from 7, in one direction until an
obstacle is found or until the route can no longer get closer to #,. The algorithm then switches
directions and repeats until a path is found or no further options are available. This algorithm
neither guarantees that a path can be found if one exists nor does it ensure that it finds a least-
cost path. Several very fast algorithms have improved upon this initial approach. Pattern routing
algorithms recognize that the majority of point-to-point paths follow simple shapes (patterns) that
represent high-quality paths, that is, those that have a small number of bends, such as Ls, Us, and
Zs (Figure 8.6). In these cases, the point-to-point router visits the path outlined by the pattern
and determines if that path is valid, that is, exists. If the fixed path is invalid, however, there is no
guarantee that any path exists. The complexity of a pattern search depends on the desired qual-
ity of the result. A full L plus Z pattern search requires O(|V]) time, where |V/| is the number of
nodes inside the least bounding box of 7, and #;. A generalization of pattern routing, monotonic
routing [18], seeks a path that does not contain a U turn (Figure 8.6d). The monotonicity property
of the algorithm allows the graph to be modeled as a directed acyclic graph (DAG) with nonnega-
tive edge costs. The edge directions are determined by order in which the nodes are processed.
The shortest path algorithm on a DAG, G, can be solved in O(|E| + |V]) time. While monotonic
routing subsumes L and Z pattern routing, that is, every L and Z route is a monotonic route, it can-
not determine whether a path exists.

The path search challenge is further complicated by technology constraints. Diff-net rules
are generally, but not always, handled with blockage strategies, and same-net rules (Table 8.1)
have increased in complexity and quantity over the last 10 years. Industrial routers address these
problems in several ways. The router can be constrained to use a subset of wires and vias, and
these can be selected to minimize the chances of same-net errors. After the path search is com-
pleted, it is possible during the backtrace step to make local choices (such as via selection), which
minimize, eliminate, and/or trade-off errors. During the path search, the router may not consider
some path topologies at the cost of optimality, if same-net errors are detected. This latter solu-
tion has many undesirable effects. Some recent algorithms are capable of handling limited cases
of these rules. The problem of finding shortest paths such that every wire in the path satisfies a
minimum length constraint has been investigated in [19], resulting in a O(|V|*log|V]) algorithm.
A similar problem is investigated in [20], where the edge length constraints are imposed by the
spacing of neighboring shapes. A different approach is taken by the multilabeling path search
algorithm [21], whereby using path history concepts (e.g., previous route topologies) to limit some
local shape patterns that lead to same-net errors can find a path in polynomial time without loss
of optimality.

The point-to-point routing algorithms form the basic fundamental kernel for clock and signal
routing as well as for global and detailed routing. Some of the algorithms described earlier have
found applications in global routing, while others are more suited to detailed routing.

(@)

(b) (© ()

FIGURE 8.6 Different route patterns: (a) Ls, (b) Zs, (c) Cs or Us, and (d) monotonic.
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8.5 SINGLE-NET MULTIPOINT ROUTING

Multipin or multipoint routing extends the concepts of point-to-point routing to nets with mul-
tiple pins. Nets have a single driver or source pin and at least one sink pin. Formally, a net N
consists of a set of terminals n,, n,,...,1 5., € N, with a special source terminal #, and all other
terminals sinks. A multipin routing of a net N results in a routing tree T\(V, E,), where n, € V.
Every vertex n, € V has a corresponding coordinate, that is, (x;, y;,) = n,. The Manhattan distance
between two vertices n, n; € N is Dist (n,, n)) = |x, — x| + |y, - y;|. An edge e;; € Eyy connects ver-
tices n, n; in the tree, with length /(e) = Dist(n, n). The principal metric for routing is wirelength,
defined as W(TN) = Zl (e). Wirelength in this chapter uses the Manhattan distance metric.

Multipin routing is done in three steps: (1) compute a multipin tree T, for net N (with any
n € N as the root), (2) decompose Ty into point-to-point subproblems, and (3) perform point-to-
point routing on each subproblem (Section 8.4).

One common method to construct a spanning tree T,(V,, Ey) with Vyy = N for a net N is the
rectilinear minimum spanning tree (RMST) algorithm. This algorithm finds the least-cost tree T "
that connects all pins 7 € N without additional nodes. The simplest RMST algorithm starts with a
complete graph, that is, every node has a direct connection to all other nodes, which puts a lower
bound on the computation of Q(|N|?), and was proposed by Prim [22]. Algorithms using a sweep
line of the pins can avoid the construction of the complete graph and enable RMST construction in
O(|N/|log|N]) time [23]. Figure 8.7b shows an example of different RMSTs for the same three-pin net.

The minimum rectilinear Steiner tree (MRST) problem emerges when additional, so-called
Steiner, nodes can be added in the multipin tree Ty™™*" (VN, EN), that is, Vy € V, where V'is the
set of all available nodes. The resulting Steiner tree consists of both the original terminals of N
and possible additional Steiner nodes. The problem of computing an MRST is NP-complete but
has been extensively studied in the literature [24]. The construction of such a tree introduces
the Hanan grid, a minimal grid in which the tree must exist [25]. The Hanan grid is defined by
extending a ray from every pin toward the borders of the net’s bounding box (Figure 8.7a). The
intersection points of the grid—locations that use the x coordinate of one pin and the y coordi-
nate of another pin—are possible Steiner nodes to be added to the multipin net. The length of

an RMST is an upper bound of the MRST and W(TA[}’MST )/W(TAA/RST) <1.5. For this reason, the
simplest multipin routing algorithms use minimum spanning trees. Robust algorithms exist for
the optimal construction of Steiner trees for nets with fewer than 10 pins, using table lookup
techniques [26]. These approaches are very practical, given that the majority of nets in an IC
inherently have very few pins. Using divide-and-conquer techniques, that is, solving the subprob-
lem by table looking and merging the results, produces very efficient Steiner trees for large nets.
The rectilinear Steiner tree problem has been extended to handle obstacles in [27], where the
problem is solved by combining obstacle avoidance graphs, RMSTs, and MRST computations.

$——+
.

(a) (b) ()

FIGURE 8.7 Examples of rectilinear minimum spanning tree (RMST) and minimum rectilinear
Steiner tree (MRST). (@) A three-pin net with its Hanan grid (black lines) and potential Steiner point
locations (red). (b) Two different RMSTs (red and black paths). (c) An MRST with a single Steiner point.
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Multipin routing also addresses metrics beyond geometric considerations. For instance, in
clock routing (Section 8.9), special consideration is given to skew. Timing-driven and buffering-
driven routing (Section 8.10) also introduce several unique routing problems.

8.6 CLASSIC MULTINET TWO-LAYER ROUTING

At the dawn of semiconductor technology (in the 1970s and early 1980s), the number of available
routing layers was confined to two, with additional (but limited) routing to a very highly resistive
polysilicon (Poly) layer dedicated for transistor gates. Due to the restricted routing resources, algo-
rithms were developed to trade off routing and area, giving rise to two-layer routing techniques.
While further algorithmic development is no longer necessary, two-layer routing has several useful
applications (e.g., avoiding higher metal layers during IP development and three-layer routing).

Traditional two-layer routing techniques are applied within rectangular routing regions known
as channels and switchboxes. In channels, pins are located on opposite sides of the region, and in
switchboxes, pins are located on all four sides of the regions (Figure 8.8). By convention, a channel
is oriented horizontally, with pins located on the top and bottom of the region. These regions have
only two routing layers—one vertical (Poly or Metal2) and one horizontal (Metall); a route that
spans across both layers is connected by vias. For more modern designs, over-the-cell (OTC) rout-
ing allows wires to be routed over standard cells on a third horizontal layer (e.g., Metal3). Channels
are allowed to grow in one direction to complete routing. Switchboxes are allowed on all four sides
of the switchbox to obtain full routing. OTC regions are not allowed area growth. The goal of all
channel, switchbox, and OTC routing algorithms is to fully connect all multipin nets. If this is not
possible, the goal is to connect as many nets as possible.

Channel routing methods include the left-edge algorithm originally developed in [28] and are based
on the vertical constraint graph (VCG). To address cycles in the VCG, Deutsch [29] introduced the
dog-leg enhancement to the left-edge algorithm by splitting #-pin nets in (n —1) horizontal segments.
Switchbox routing algorithms are largely extended from channel routing algorithms [30]. OTC rout-
ing algorithms were developed in conjunction to channel routing. OTC routers route a select set of
nets outside the channels, leaving the remaining nets to be routed inside the channels [31].

Channel, switchbox, and OTC routing techniques laid the foundation for modern industrial
routers. With the advent of multiple layers of metal, these methods gave way to routing in a sea-
of-gates placement environment, where the area between rows is no longer sacrificed but can be
used to alleviate congestion or improve routability.

8.7 MODERN MULTINET ROUTING

The modern approach toward multinet routing splits the routing flow into several steps, resulting
in a divide-and-conquer routing paradigm. These steps include (1) global routing, (2) pin escape
and local routing, (3) track routing, and (4) detailed or finish routing. The global router quickly
provides a coarse-grained, approximate solution to the multinet routing problem. The pin escape

Channel routing

Switchbox routing

Horizontal
channel tracks

IC

Vertical channel tracks

FIGURE 8.8 An example of channel routing and switchbox routing.
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and local routing algorithms resolve pin access and reserve pin access space. Track routing
then converts the global routing solution to a finer-grained routing track assignments. Detailed
routing then creates the exact routes each net will use on each metal layer. The final solution is
expected to be DRC and LVS clean with no opens or shorts and must also be compliant with all
wire-trait constraints.

8.7.1 GLOBAL ROUTING MODELS

Global routing has undergone intense research in the last two decades. Global routers handle
millions of nets and find several applications in a physical design flow: as estimators of placement
and floorplanning quality by providing congestion and timing metrics, as drivers for algorithms
like buffering (or repeater insertion), and as the global solvers for the detailed routers.

The global routing paradigm simplifies the routing problem by coarsening the routing grid
and reducing the routing graph. The coarse grid point now becomes a rectangular region called
a “gcell” or a “global tile.” Global routing algorithms typically operate on a 2D or 3D grid graph
G(V, E) that is abstracted from the physically available metal routing layers (Figure 8.9). The verti-
ces v € Vrepresent the gcells, and edges e € E between the nodes represent the boundary between
adjacent geells. An edge e has a length /(e), which is the distance between the centers of the nodes
it connects. In a 3D grid graph, nodes belong to a layer, edges between nodes on the same layer
represent wire paths, and edges between nodes in separate layers represent via locations. A 2D
grid graph can be obtained by compressing the nodes at the same coordinate of a 3D graph into
a single node (Figure 8.9).

A set of nets N or a netlist (Section 8.4) must be connected or routed over the grid graph G.
The terminals of each net in the netlist are commonly modeled to be at the center of the gcells. In
global routing, multiple nets may share the same edge. The capacity cap (e) represents the amount
of available space across e, that is, how many wires fit through the side of a gcell. If routing block-
ages are present, then the edge capacity is reduced accordingly. The flow or demand usage (e)
represents how many routing resources have been consumed across e. In a 3D grid graph, a net N
that crosses an edge e requires width(N, e) width and space(N, e) distance from all other objects.
Therefore, a net N has demand usage(N, e) = width(N, e) + space(N, e) on an edge e, which is a

Horizontal layer geell
cap(H) Ycap(H)
cap(V) Ycap(Via)
Ycap(V)
cap(via)
Via Ycap(H)
Ycap(V)
Ycap(Via) included in
Vertical cost function or other caps

layer

(a) (b) (c)

FIGURE 8.9 Modeling of global routing graphs from metal layers. (@) Metal layers, (b) 3D route
modeling based on metal layers, and (c) 2D route modeling based on the 3D grid.
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FIGURE 8.10 A congestion map plotting n(e) (color scale on left) over a chip floorplan. Gray areas
denote macro blocks within the floorplan.

function of the layers of e and the wire trait of N. Since layer information is not present in a 2D
grid graph, net demand is simplified.

The quality of global routing solutions is measured by the relationship between supply and
demand across all edges. One such metric is congestion or density, that is, the ratio of demand to
supply over an edge, and is defined as n(e) = usage(e)/cap(e). Another metric is overflow, which
is defined as ¢(e) = max(usage(e) — cap(e), 0). Global routing seeks to route all nets N e N on G

such that &(E) = 0 while minimizing an objective, commonly total wirelength W(N') = ZW(TN ).

A visual inspection of routing quality is often encapsulated in congestion maps (Figure 8.10).

8.7.2 GLOBAL ROUTING APPROACHES

Every global routing algorithm relies on successive calls to a single-net or path search algorithm
that (1) finds a least-cost path P, that connects a net N, where each edge e, € P, has cost cost(e,)
and (2) updates usage (ey) and cap(ey) accordingly after Py, has been determined. As such, the
strategy for deriving cost(e) holds fundamental importance. Early renditions of cost modeling
sought to model congestion by incorporating wire supply and demand metrics [32]. Additional
cost models include cost(e) = n(e) and cost(e) = n(e)? that allow overcongestion of an edge and
others that prohibit edge overcongestion [33]:

usage(e)+1
cost(e) = usage(e) — cap(e)
00 :usage(e) = cap(e).

: usage(e) < cap(e),
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TABLE 8.2 Global Routing Algorithms, Approaches, and Detailed Techniques
Approach Technique

Sequential Minimize max congestion using Steiner trees [34]
Min-weighted Steiner trees [35]

Rip-up and Reroute Optimal rip-up set [36]
Simple iterative rip-up and reroute [37]
3D global router with rip-up and reroute [38]

Hierarchical Top down [39], bottom up [40]
Min-cost MCF [41]
Formal Maximum concurrent flow [42]

Min—max resource sharing [43]

Table 8.2 summarizes the common global routing approaches. The global routing problem
can be formally modeled as a minimum-cost multicommodity flow (MCF) problem [41], where
the objective is to minimize total wirelength, as represented by the transportation costs, subject
to bundle- or edge-capacity constraints. This initial iterative improvement algorithm finds a fea-
sible solution (if one exists) but without runtime guarantees. The authors of [42] then applied,
to global routing, an approximation algorithm for the maximum concurrent flow problem [44],
with the objective to minimize the maximum edge density. This resulted in the first algorithm
with an approximate optimality guarantee. In this approach, each net is initially routed by a
convex combination of feasible Steiner forests (a set of Steiner trees), and the initial solution of
the algorithm is a provably near-optimal fractional solution. A randomized-rounding algorithm
[45] is then used to select a final solution, which with high probability increases congestion by a
bounded amount. The final step in this approach is a rip-up and reroute stage to ensure that all
nets are connected, where nets that violate capacity constraints are removed from the grid graph
(ripped up) and reconnected (rerouted). An improvement to this framework was proposed in [46]
by developing a simpler and faster maximum concurrent flow approximation algorithm based
on [47]. This improvement enabled finding solutions with approximation guarantees on large
industrial-sized designs.

A recent formal global routing approach, based on Lagrangian relaxation, finds solution for the
min—max resource sharing problem, where the objective is to minimize the maximum resource
consumption [43]. In this formulation, the problem of sharing a limited set of resources R among
a finite set of consumers C is solved. The algorithm assumes that there is a block b, € BB or convex
set of feasible solutions for each consumer ¢ € C and a nonnegative continuous convex function
g.(b) specifying the resource consumption of each element b, in the block. The computation of
the vector of Lagrangian multipliers » or weights depends on the existence of a block solver that
is capable of finding a (1 + €)-approximate minimization of ®” x g,(b,).

In the implementation of [43], the netlist is defined as the set of consumers (C =N ) and the
resources include the edges in the constraint graph. A special resource is created for the objec-
tive and allows for multiple objectives. For example, the wirelength objective is modeled by
2" =W(N)/ W, where WYE is an upper bound on the minimum wirelength. The block solver
is a Dijkstra-based path search algorithm whose cost function for each net is derived from o’ x
g.(b.). The path search cost is a weighted trade-oft between congestion and wirelength (and any
other objective):

cost(c, e) = w(e) - usage(c, e)+" - (e).

The Lagrangian multipliers are computed in successive iterations of refinement, with the edge
congestion cost modeled exponentially. Similar to [42], the resulting solution is represented as a
convex combination of Steiner forests and requires an intermediate rounding step and a final rip-
up and reroute stage. The min—max resource sharing strategy for iteratively updating Lagrangian
multipliers is guaranteed to converge to an approximate optimum in polylog time. The current
best min—max resource sharing algorithm results in a practical global routing approximation
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algorithm, with a (1+¢)-quality guarantee from the optimum, and polylog runtime with respect
to| N}, |G|, and the approximation parameter 1/¢>. This framework (1) handles both convex con-
straints and convex optimization objectives as a function of the routing solution; (2) can be used
to (simultaneously) optimize various objectives, for example, routability (Section 8.7.3), yield
(Section 8.11), timing, and power; and (3) is scalable to solve industrial-sized designs. Timing is
addressed by several techniques: (1) assignment of wire traits to nets, (2) net weighting or net pri-
oritization, (3) Steiner length constraints, and (4) route topology controls. High-performance nets
might also be constrained further by the specification of wire traits. Typically, these constraints
are created externally and implicitly modeled by the global router. Similar techniques can be
used to control capacitance, which combined with net-centric activity factors, can also be used
to minimize the power.

The 2007 and 2008 ISPD contests on global routing created a surge of interest in fast global
routing algorithms, resulting in very fast software packages. The authors of [48] surveyed several
of these techniques, including the authors of [49], where their approach first routes nets on a
2D grid graph using techniques, such as (1) low-effort pattern routing on uncongested areas,
(2) iterative tree-segment shifting, (3) monotonic routing, and (4) rip-up and reroute based on
shortest paths, and then uses layer assignment to map 2D routes into 3D grid graph. The global
convergence paradigm uses heuristically chosen edge costs that account for an edge’s congestion
history or how often an edge has been congested. An edge in greater demand at past iterations
will have its cost increase so as to discourage demand. If the demand remains high, the cost is
increased further, until the demand reacts. This negotiation is performed on multiple edge costs
at the same time so that the routes choose the most appropriate edges. This intuition forms the
basis of negotiation congestion—based routing (NCR) and can be formalized by Lagrangian relax-
ation. An implementation of NCR [50] introduces a history cost component /(e) that increases
every time (iteration) an edge is congested. In addition, the cost function accounts for congestion
ple) = fin(e)) and the distance to the target d(e):

cost(e)=h(e)+o-ple) +P-dle),

where
a is a scale factor that ensures /(e) never exceeds 1(e)
f is a heuristically calculated constant

After 2D routing, the authors of [49] performed layer assignment by solving an ILP that mini-
mizes the number of vias within a bounded region. During layer assignment, this bounded region
is iteratively extended until the full grid is encompassed.

8.7.3 CONGESTION ANALYSIS

The goal of congestion analysis is to predict the routability or route distribution of a design by
identifying routing /ot spots or localized areas of high congestion. Congestion analysis typi-
cally evaluates the quality of other design flow operations and drives incremental optimizations.
As such, runtime takes priority over routing quality. Congestion analysis approaches include:
(i) non-constructive probabilistic estimation techniques [51], (ii) global routing solutions [52], and
(iii) detailed routing solutions.

While an approach based on detailed routing estimates promises the greatest accuracy;, it
may require prohibitively long runtimes, especially during early design flow stages when detailed
routes are not available. Careful experimentation shows that probabilistic methods are largely
inaccurate and not robust enough to address the characteristics of modern designs (e.g., routing
obstacles, multiple routing layers, and different layer spacings). The most attractive methods
stem from global routing, as they can accurately and quickly provide a high-level analysis for any
routing landscape. However, this approach (1) is usually unaware of local- or intra-gcell conges-
tion, that is, congestion seen by the detailed router and (2) can provide false positives, that is,
indicate a region that has high congestion, but where congestion can be mitigated if given fur-
ther routing iterations. To this end, short-net prerouting and allowing nets greater flexibility in
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detouring greatly mitigate local congestion. Another approach [53] addresses these drawbacks
by modeling local routing resources and applying smoothing techniques to reduce the number
of noisy Kot spots.

To perform congestion analysis, congestion maps (Figure 8.10) are used as a first-order (visual)
evaluation of the design routability, where every edge is assigned a color based on its congestion.
However, more detailed metrics are needed to effectively use routability information for opti-
mization, including (1) overflow-based metrics, (2) net congestion—based metrics, and (3) edge
congestion—based metrics.

Overflow-based metrics, including total overflow Z¢(e) and maximum overflow max(d(e)),
measure the excess of routing usage versus routing capacity on global routing edges in a global
routing graph (Section 8.7.1). However, these metrics can misrepresent the design routability,
especially in the presence of hot spots (localized areas with extreme congestion).

Net congestion—based metrics [54] are based on net congestion A(N), which is defined as the
max(n(ey), for all the grid graph edges e, crossed by net N. These metrics include (1) average net
congestion ACN(8), which is the average of A(N) for the top 8% congested nets, and (2) the worst
congestion index WCI(z), which is the number of nets with A(N) > z, z€ R . However, this type
of metric cannot distinguish between nets that span a single congested edge and nets that span
multiple congested edges.

Edge congestion—based metrics were developed to address the drawbacks of using net conges-
tion—based metrics. The histogram approach [53] of the average edge congestion ACE(S) com-
putes the average n(e) of the top 8% congested edges. When & is small, ACE(d) provides a focused
evaluation. When 8 is larger, ACE(8) provides a more global routability evaluation, which is use-
ful when comparing design points. A composite edge congestion metric peak weighted congestion
PWC = [ACE(0.5) + ACE(1) + ACE(2) + ACE(5)]/4 was used in several placement contests [55].

8.74 ROUTABILITY-DRIVEN PLACEMENT

Routability-driven placement is one such application that heavily relies on congestion analysis, as
the traditional half-perimeter wirelength metric is no longer sufficient to estimate routability for
modern technology nodes [56]. Routability-driven placers most commonly use congestion maps
to identify regions where routing will be difficult and guide movement decisions.

Once the placer has access to a congestion map, it converts the map into its own cost func-
tions. It then applies optimizations during various stages of the placement methodology: (1) global
placement, (2) modifying intermediate solutions, (3) legalization and detailed placement, and
(4) postplacement processing step. Figure 8.11 illustrates the progression of the routability-driven
placer SImPLR [57], which is representative of other techniques.

8.7.5 PIN ESCAPE AND TRACK ASSIGNMENT

When assigning routing tracks to signals, the nets” endpoints must correspond to cells” input and
output ports. The pin escape problem determines each net’s detailed pin locations by allocating
or reserving essential pin access resources to the corresponding cells. This problem can be solved
either (1) before global routing so as to provide the global router with accurate local conges-
tion estimates or (2) after global routing so as to be consistent with the global routing solution.
A typical standard cell architecture has tightly packed pins on Metall, with no available routing
space both inside the cell and on Metall. Therefore, pin escape algorithms escape a Metall pin to
a Metal3 track or a neighboring Metall pin connected to the same net. Pin escape methods are
also applied at the boundary of macro blocks (e.g., register files or small memories) with a large
number of tightly packed boundary pins on upper layers. Moreover, in high-performance routing,
over-the-macro routing at a high layer of metal can easily become constrained when accessing
macro pins on lower layers, due to the differences in the metal pitches and the requirements on
low-resistance vias. Pin escape algorithms are explored in [58].

The track assignment problem maps global routes into detailed routes [59], where each global
wire is assigned a detailed track, for example, physical location, such that shorts and spacing
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(a) Congestion map Placement (b) Congestion map Placement

(c) Congestion map Placement (d) Congestion map Placement

FIGURE 8.11 Progression of routability-driven placement. Red color indicates locations where
cell utilization was temporarily decreased. (a) Initial placement (right) with areas of high congestion.
(b) Intermediate placement where congestion is reduced. (c) Intermediate placement where conges-
tion is further reduced. (d) Near-final placement where congestion is largely removed.

errors are minimized. Track assignment algorithms divide the global wires into panels, which
comprise rows (or columns) of gcells. For each panel, the problem is divided into a minimal set of
cuts. For each cut, a bipartite matching problem is solved, where the aim is to assign a set of wires
to a set of tracks. Track assignment algorithms are also suited for producing solutions for mixed-
width and gridless routing and can be used for noise avoidance algorithms [60]. However, as track
assignment operates in 1D space, it cannot account for 2D effects, for example, shorts at vias and
line ends. Furthermore, track assignment algorithms can result in incomplete connections using
the given pin assignments. For these reasons, the last steps of a signal router rely on a rip-up and
reroute phase from a detailed router (Section 8.7.6).

8.7.6 MULTINET SIGNAL ROUTING

Multinet signal routing consists of (1) track routing or (2) global routing—driven, region-bounded
path searching, finished by (3) sequential rip-up and reroute. The global routing—driven, region-
bounded path searching algorithm consists of two steps: converting the global routes into layer-
wise search areas and then applying a multipoint routing algorithm within these areas. Due to the
sequential and greedy nature of this solution, a path that is routed earlier may utilize resources
that are needed for later routes. Consequently, if multinet routing cannot find resources for all
nets but ends with routing violations, then another iteration (phase) of signal routing is required
to resolve subsequent detailed routing conflicts.

Multinet signal routing has been formulated in several ways in the context of small routing
instances (e.g., cell routing in Section 8.3). In [61], multinet signal routing is formulated as a
Boolean satisfiability (SAT) problem, where a set of potential routes is enumerated for each net
and a set of constraint satisfiability formulae place restrictions on which routes can be simultane-
ously used (e.g., lack of available resources on a routing edge). A valid SAT solution determines
the route for each net. In [5], the problem is approached by formulating a Steiner tree packing
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problem, in combination with a flow formulation for finding Steiner trees, using mixed inte-
ger linear programming. Both of these approaches are capable of dealing with complex modern
design rules. Unfortunately, these formal approaches are severely limited in the size of problem
that they can solve using reasonable resources. As a result, large multinet signal routing problems
are solved using rip-up and reroute heuristics.

Rip-up and reroute schemes apply to both global routing and signal routing and are classified
in one of two general approaches. The progressive rerouting scheme considers one net at a time,
removing considered nets from the problem when done, as proposed in [37]. As each net is con-
sidered, each of its component connections will be ripped up and rerouted. This approach may
be repeated for several passes. The iterative improvement scheme, such as the one used in [36],
is based on keeping track of the constraints violated in the design. At each pass, all connections
containing errors are ripped up and rerouted. Constraint violations are updated after reroute, and
decisions for additional passes are made depending on the progress of the algorithm based on the
constraint violations. The iterative improvement schema works best with the general signal rout-
ing problem, so we will focus on this schema in the remainder of this section.

An iterative improvement rip-up and reroute algorithm, often employed in a detailed router or
search-and-repair router, aims to take a partial routing with opens, shorts, and DRC violations and
to repair these using path searching and other techniques. The end result of the detailed routing
algorithms is a complete, violation-free set wires and vias for a given netlist. The key algorithm to
all detailed routers is a path search engine, with variable controls over the cleanliness of its results
and of its path costing structure. A second important element of these algorithms is the set of
checks or rules the design must meet. A third element is an algorithm that determines the set of
objects that will go through rip-up. By repeating the search, rip-up, and reroute operations within
controlled path finding areas, with larger and larger rip-up sets and with adjusted costs, a detailed
router can be made to converge to clean results, except for the hardest of congestion problems.

The hardest congestion problems require careful allocation of routing resources and are not
solvable by conventional rip-up and reroute. In this case, multiple connections will be simul-
taneously selected for rip-up, and a heuristic algorithm will order and reroute the ripped-up
connections to achieve a desired improvement. There are several rip-up and reroute techniques
that attempt to solve these hard problems: weak rip-up techniques, prioritized path searching
schemes, and decongestion schemes. Weak rip-up schemes involve solving routing problems
using planar routing methods such as river routing, wire untangling, and wire push aside
techniques. Prioritized path searching techniques involve storing a priority for connections,
which may be updated as the router iterates, allowing a net to be routed while causing some
shorts and then driving the reroute order of the shorted nets with the selected priorities.
Decongestion techniques involve selecting connections that must be in an area, routing them
cleanly, and then driving other connections to be routed outside of that area, finally finishing
with cleanup rerouting. The most difficult challenge with all multinet rip-up and reroute meth-
ods is to avoid oscillations and to determine when and where the router must give up. A more
formal description for rip-up and reroute using integer linear programming and Lagrangian
relaxation can be found in [62].

8.7.7 PARALLEL ROUTING

Modern routing problems can come in very large sizes: signal routers must be able to route
10 million nets overnight. Due to the limitations of single-thread performance, routing algo-
rithms must be capable of parallel operation. A few paradigms for router parallelization exist.
Regional methods partition the routing problem geometrically, allowing parallel routing within
each region. This technique is suitable for distributed and multithreaded computer architectures.
Unfortunately, known partition-based routing algorithms scale poorly, due to boundary condi-
tions and uneven resource use. Net-based parallelization techniques scale well but are best suited
for multithreaded architectures, require careful coding, and suffer from convergence challenges.
Fine-grained parallelization for core algorithms such as Dijkstra’s algorithm on a grid graph
has been proposed, even with implementations on specialized hardware. These methods have
remained only of theoretical interest.
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8.8 WIRING DELAY AND SLEW

Before discussing timing-aware routing algorithms, particularly clock routing and high-
performance signal routing, it is important to understand wire delay models. The key metrics
for the dynamic behavior of wiring are transition delay and slew. Delay measures the time that it
takes for a signal transition to propagate through a wire. Slew measures the time that it takes for a
signal to change state, such as from high to low (Figure 8.12). There are two basic models of wire
delay: the linear delay model and the Elmore resistance—capacitance (RC) delay model. The linear
delay model is useful as a first-order approximation for wire delay and offers a reasonably accurate
approximation for the delay of a long-buffered tree [63]. The Elmore delay model forms the basis
for a reasonable approximation for the delay of an RC tree, which models the parasitics of most
practical wired networks. More accurate models exist but are significantly more time consuming
and less appropriate for routing.

The linear delay model assumes that delay is proportionate to wirelength. For theoretical
and first-order routing optimization, weighted wirelength can be used as a delay metric. A more
sophisticated model, derived for the prediction of delays for buffered trees, includes a delay penalty
component for branching f, can have a component to account for gate loads at sinks y(N) for a net
N, and accounts for different time of flight properties of layers a. Formally, let T, = G(V,, Ey) rep-
resent a rooted, wired tree with root 1, and sinks n,, n,,..., #y,; on net N. Let the set P(n;) = no; n;
be a source-to-sink path in 7. Then a complete linear delay model to a sink , € N is

T (m) =10+ D [ty Uey)+Bi |

ejkeP(n;)

Wiring affects timing through the contribution of its parasitics. Important parasitics include
resistance, capacitance, and, in very special cases such as long high-frequency interconnect
(package-level and radio frequency ICs), inductance as well. Wire resistance is a function of wire-
length L, wire width W, layer conductance p,, and layer height T¢ R, =p.(L/WT). For a given
technology, layer heights are given, so typically a sheet resistance R, =(p;/T) is known, and
therefore, wire resistance is

L
RW :RLW

Wire capacitance is much more complicated than wire resistance because it involves interac-
tions of a given wire with its environment. Accurately calculating wire capacitances involves
accounting for activity between every neighboring wire laterally, above and below, and between
wires and the chip substrate, leading to the 3D capacitance extraction problem. For the purpose
of optimizations, it is useful to have expressions for wire capacitance as a function of the same
parameters as resistance. Such expressions capture the different components of wire capacitance,
parallel plate capacitance Cp,, lateral or wire to wire capacitance Cy,, and fringe capacitance Cy,
and therefore, wire capacitance is Cy, = Cpp + Cypyyy + Cr. Examples of empirical expressions for
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FIGURE8.12 Example of an RC tree for a CMOS VLSI circuit. (a) Wire, (b) delay and slew models, and
(0) parasitic RC model.
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capacitance can be found in [64] and are a function of the dielectric constant of the insulator and
a layer-to-layer distance. The equations of capacitance are commonly simplified by assuming that
for a given layer, the height is given, the distance to the next layers is fixed, and there is an average
distance to the nearest-neighbor wires:

Cy ~C,LW.

Elmore delay is currently among the most important metrics in timing optimization [65] and
was proposed in [66]. The basic time domain behavior of digital IC wiring is modeled using RC
networks. Since most network topologies used are trees, an important and well-studied area in
timing analysis is that of the modeling of RC trees.

Let T\(Vy, Ey) represent a rooted RC tree on net N. A vertex v; € V, represents a voltage node
that contains a capacitance C,, and an edge e, € E represents a resistance R,, . A subtree T, of T,
rooted at vertex n; € N, is the tree induced from Ty by including #, and all vert1ces inN below n;.

Two important quantities in wire delay computation are the downstream capacitance seen
below a node v,, Cap(v,), and the total upstream resistance seen above a node v;, Res(v,), which is

defined by
Cap(v;) = Z C,, and Res(v;)= Z Ry -

vie TN (vi) ek, j€ P(vi)

Given two vertices v; and v, let a(v, v) denote the first vertex above both vertices in P(v) N P(v).
Then the Elmore delay rELM( ) at a node v, is defined as

T (v ZRes v,,vk Z R, - Cap(vy).

vkeV €jky vike P(v;)

There are therefore two equivalent methods for the computation of Elmore delay: a bottom-
up RC summation where, along a sink-to-source path, R, Cap(v;) are added and a top-down
method where in a source-to-sink path the RC sum Res(v;)C,, is accumulated.

If the input waveforms are ramps, then the PDF extension to ramp inputs model can be used
to calculate delay and output slew of a wire [67].

8.9 CLOCKROUTING

Clock routing is a topic rich in research and in practice. There are several different approaches
toward clock network design, with dramatically different requirements on routing. The basic
timing requirement on clock design is skew. Skew is the maximum difference in the arrival times
of the clock signal at the synchronizing elements. Skew is added directly to the minimum system
clock period, and therefore, a primary objective in IC design is zero skew. Minimizing the total
power of the clocking network is also a key objective in clock design.

At low clock frequencies, a clocking network can be viewed as a special routing problem on
a high fanout tree, with the zero-skew requirement. As frequency increases, a clock tree must
become a buffered clock tree, where the skew requirement falls primarily on the buffering of the
tree, with no special routing requirements. As the frequency of a clock continues to rise and vari-
ability effects come into play, large specialized buffers for the upper levels of clock tree combined
with zero-skew routing provide practical solutions. At the highest clock frequencies, typical of
modern microprocessors, hybrid clock distributions centered around the clock mesh are neces-
sary. This section will investigate several routing algorithms and approaches toward the problems
in clock design.

The zero-skew clock routing problem is then to construct a minimum total wirelength clock
tree such that the source-to-sink delay is the same for all sinks. The first clock tree construction
algorithms focused on path length—balanced trees. Early clock tree constructions used H-trees
that work well under limited circumstances. The first algorithm to address general distribution of
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pins is the method of means and medians [68], where a clock topology is created by a top-down
recursive partitioning of the sinks. At each step, two equally sized subsets of sink pins are created
by geometric median partitioning. Routing is performed top down, to the median points, and at
the final partition to the sinks, resulting in an O(|[N|log|N|) runtime. The next improvement in
clock routing results in control over the total wirelength of the tree and is the minimum-weighted
matching algorithm proposed in [69]. This algorithm uses a bottom-up recursive traversal. At each
step, the algorithm computes a min-cost maximum cardinality matching of the sink positions
(or an approximation), which chooses pairs of pins that get connected for minimum total wire-
length. For each connection, a balance point that minimizes linear skew is computed and passed
to the next level of recursion. Since the balance point is not always conveniently located, a heu-
ristic algorithm, H-flipping, is added to improve the balance points. The runtime of this method
is dependent on the matching algorithm, resulting in algorithms with complexities ranging from
O(|N{log|N1) to O(IN[>log|N]).

The next improvement in clock routing considers the Elmore delay model, leading to the exact
zero-skew algorithm [70]. The exact zero-skew algorithm applies to any clock tree, traverses the
clock tree bottoms up, computes Elmore delays, and creates a zero-skew subtree at each step.
When zero-skew subtrees are merged, an added amount of wirelength is added to one of the trees
to match the Elmore delays. Since the method accounts for wire parasitics and sink loads, it also
compensates for uneven loads in the trees. The method runs in linear time on the size of the tree.

The clock routing algorithms do not directly address the problem of actually realizing
(or embedding) the clock trees. This problem was addressed by several works, including [71]. The
resulting algorithm is known as the deferred-merge embedding algorithm, and it can be applied
to both problems with linear delay and Elmore delay models. The deferred-merge embedding
algorithm takes in a given clock tree topology and realizes the topology in two passes of the
clock tree. The first pass is a bottom-up phase that determines the regions for the placement of
every balance point in the tree. The second top-down pass selects the exact balance points in
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FIGURE 8.13 lllustration of clock tree routing. (@) Unrouted clock net, (b) clock net topology,
(c) routed clock net by DME, and (d) clock net after wire snaking.
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FIGURE8.14 lllustration of a clock distribution network, from a PLL to latches, showing clock signal
delay propagation in the vertical axis. The clock network is a hybrid clock mesh from an IBM Power6
microprocessor. (From Restle, PJ. et al., IEEE J. Solid-State Circuits, 36(5), 792, 2001))

the tree and actually does the routing. Given a specific tree and for the linear delay model, Boese
and Kahng [71] proved that this algorithm produces an optimal wirelength tree, with minimum
source-to-sink distance. This algorithm provides good but not optimal results with the Elmore
delay model. Figure 8.13 illustrates an example of a clock tree generated by the deferred-merge
embedding algorithm and subsequent improvements to balance the local clock skew.

Pushing to the limits of achievable clock frequencies, nontree routing methodologies are used
in clock designs. Modern microprocessors use clock meshes, which are hierarchical designs com-
bining several different techniques (Figure 8.14). In clock meshes, the clock is globally distributed,
not unlike a power distribution, by a mesh designed with the lowest resistance metallization
available to the microprocessor. The mesh is driven at key points by a carefully balanced buffered
clock tree network. Local clock buffers, or clock trees, then connect to the mesh directly and
ultimately drive latches. In this style of clock design, each clocked component is given a delay
budget from the mesh, and therefore, timing-driven routing algorithms with minimal wirelength
become the ideal solution. Tight timing, electromigration, and reliability constraints lead to clus-
tered latches driven by local clock buffers. In these latch clusters, the local clocks are routed by
severely constrained routing solutions, such as spine clock trees.

8.10 INTERCONNECT SYNTHESIS

The importance of interconnect to IC performance has been recognized for two decades. In a
seminal paper [73], Cong introduces the concept of interconnect synthesis that determines opti-
mal or near-optimal interconnect topology, wire ordering, buffer/repeater locations and sizes,
and wire traits to meet the performance and signal reliability requirements of all nets under the
congestion constraint. Interconnect synthesis is invoked during physical synthesis, after place-
ment stage, but before detailed routing stage. A typical interconnect synthesis stage may contain
several steps: (1) timing-driven global routing with a linear delay model; (2) initial repeater inser-
tion, optionally following the global routing paths; (3) repeater-tree optimization steps, for slew
and slack; and (4) timing-driven global routing with the Elmore delay model. In this section, we
examine algorithms in the area of interconnect synthesis.

Techniques in interconnect synthesis originated from research on wire sizing [74], which is
primarily focused on optimization under the Elmore delay model. A negative result in this space
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was reported in [75], where it was shown that the ratio of the maximally attainable signal speed
with optimal nonuniform wire sizing and buffering to that with optimal uniform wire sizing
and buffering is ~1.03. Hence, the most effective strategy of timing-driven wiring optimization
for high-performance designs is the selection of wire traits, combined with repeater or buffer
insertion [76]. The resulting algorithm produces a set of solutions, driven by a discrete library
of repeaters and a discrete set of wire traits. A single solution can then be selected to match the
timing/area/power requirements of the network. This algorithm assumes a fixed routing tree
topology and therefore requires a repeater-aware router.

Routing algorithms can optimize propagation delays by exploring different tree topologies.
Algorithms optimizing topologies for the linear delay model are suitable for prebuffering stages,
while those optimizing for Elmore delay are useful in the postbuffering stages. For the following
discussion, the linear model with no vertex cost, that is, §;, = 0, and no sink component, that is,
y(n,) = 0, is assumed. Timing is introduced into the routing problem by recognizing that some
sinks are timing critical and by observing that their paths to the source must be delay optimized.
In [77], the concept of bounded-radius minimum spanning trees is proposed. The radius of a tree is
defined as a shortest path from the source to the farthest sink, that is, R = max(t; (7). Figure 8.15
illustrates different topologies that trade off the radius and cost of the routing tree. The problem
is to find a minimum-cost routing tree, with a radius bounded by (1 +€)R,;, where € 20 and R, is
the radius of the shortest path tree that is constructed by computing the shortest paths from the
source pin to each sink pin independently. In [77], Prim’s algorithm is altered to include a test that
guarantees the radius constraint. When the test fails, a search is made for a connection that guar-
antees the radius. This algorithm guarantees the radius constraint but does not guarantee a tree
of minimum cost at a runtime complexity of O(|N|?). A second solution starts with a minimum
spanning tree; then during a depth first traversal of the initial tree, nodes are selected to become
part of a source-rooted shortest path tree, based on the radius requirement. The resulting tree is a
mix between the minimum spanning tree and the shortest path tree with a bounded radius, with
a cost factor 1+(2/€) of the cost of the minimum spanning tree. An improvement on this method
is provided by [78], where an algorithm with the same complexity as a Dijkstra shortest path tree
search is designed to find a tree where every source-to-sink path has a length bounded by the
minimum source-to-sink distance. This latest algorithm implements a Prim—Dijkstra trade-off,
and given a parameter 0 < ¢ < 1, it guarantees that for every pin 7, the length of the source-to-
sink path is bounded by ¢ 7 (1) < Dist(r,, n). When ¢ = 0, the algorithm produces a minimum
spanning tree, that is, equivalent to Prim’s algorithm, and when ¢ = 1, the algorithm constructs a
shortest path tree and therefore is equivalent to Dijkstra’s algorithm. Bounded-radius Steiner trees
follow from the construction of the bounded-radius spanning trees.

Many repeater tree generation algorithms perform two steps: a routing step and then a
repeater insertion step. The repeater insertion step in some algorithms also has the capability of
performing layer assignment; for samples of such an algorithm, see [76]. Routing algorithms that
are designed to create repeater trees have to address several unique challenges:

1. The blockages for repeater insertion and routing can be different (e.g., placement block-
ages and routing blockages can be different), and therefore, routing trees for repeater
insertion must go through the areas where repeater can be inserted legally.

2. Since repeaters have a limited reach (due to speed or slew constraint), routing for repeat-
ers is allowed to go over a blocked area but only for a limited distance on a given layer.

3. Repeater tree routing must also deal with sink polarity requirements.

In [79], the problems of Steiner trees with buffer blockages and buffer bays are considered. Recent
work on repeater tree topology exploration with the linear delay model can be found in [63].

Steiner trees with all pins routed at a minimum radius are rectilinear Steiner arborescences
(RSAs). Formally, an RSA is a minimum-cost Steiner tree where for every sink pin in the tree,
T (1) = Dist(n, n;), with B, = 0 (Figure 8.16). This problem is NP-hard [80]. The first O(|N|log|N|)-
time heuristic algorithm with a factor of 2 approximation bound for this problem was presented
in [81]. A practical result comparing various timing-driven tree construction algorithms in [82]
found that the pervasive use of arborescences results in 4% wirelength increases but with about
4%—5% reductions in cycle time.
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FIGURE 8.15 Different topologies demonstrating the radius-cost trade-off. (a) Small radius, high
cost; (b) high radius, small cost; and (c) medium radius, medium cost.
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FIGURE 8.16 Example of a net routed with different trees. (a) Steiner arborescence, (b) MRST, and
(c) RMST.

Topology exploration and multipin routing with the Elmore delay model are explored in [83].
In this work, it is established that Elmore delay exhibits fidelity with more accurate delay models.
In addition, a greedy low delay tree heuristic with an O(|N|?) time complexity is proposed and
compared with an optimal branch-and-bound algorithm.

A timing-driven global router, capable of utilizing the algorithms described in this section, is
the central tool for interconnect synthesis. An example of global routing with timing constraints
can be found in [84], where a general framework that can use any single-net routing algorithm
and any delay model is provided.

In summary, a modern interconnect synthesis tool brings together global routing, buffer
insertion, and wire-trait optimization to solve timing and electrical problems of circuits under
the congestion constraints.

8.11 DESIGN FOR MANUFACTURABILITY AND ROUTING

Manufacturability has long been defined by the pass/fail criteria of DRC and LVS checking. Yield,
which is the actual fraction of good manufactured parts, depends on many factors that can be
optimized in a design. DFM seeks to improve the yield and the reliability of designs above and
beyond the baseline achievable by following binary design rules (please refer to Chapter 22 for
more details on DFM). Yield in manufacturing is driven by systematic and random defects, which
can be addressed in routing. Defects in metallization serve as an important contribution to yield
loss and reliability problems, and therefore, routing has a strong impact on yield (Figure 8.17).
Pioneering work on DFM started with the modeling of yield as a function of layouts. The
critical area analysis method developed in [85] for the modeling of random defects provided
the initial framework for DFM in routing. Random defects in interconnect are principally, but
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(a) (b)
FIGURE 8.17 Metallization defects. (a) an open and (b) a short.

not exclusively, (1) via opens, (2) wire shorts, and (3) wire opens. Early research in DFM routing
addressed these three defects primarily and will therefore be the focus in this section. Random-
defect-driven DFM methods in routing improve the yield of wiring by minimizing the likelihood
of random defects. The random-defect model, applied to a set of parallel wires on layer € of length
L, width W, and spacing S, predicts the average probability of faults including opens and shorts for
parallel wires. The average probabilities of wire opens 6,,, and wire shorts 65, under a 1/r* defect
size distribution assumption (r is the defect size), are

L L
8.1 0oy ~Ko— and 0Og5,~Ks-—,
( ) 0,0 o W S0 S S

where K, and Kj are technology-dependent constants for open and short defects, respectively.
The average probability of faults measures the absolute likelihood of an individual type of failure.
For an entire chip, the relative importance of different defect types is modeled per layer € by a
defect density d,, for each failure type i. The average number of faults per layer is denoted as A,.
A chip with area A has an average number of faults A. The yield, Y}, can be estimated as follows:

8.2) M=) dip O A=A ki, Yo=e,
i 14

where 6, , is the average probability of failure for defect type i on layer £. Shorts and opens are two
such failure types, and their defect densities are denoted as d, and d,.

According to Equation 8.1, to minimize opens and shorts, to the first order, wirelength minimi-
zation is an appropriate yield objective. Furthermore, minimizing opens requires increased wire
width while minimizing shorts requires enlarged wire space. Consequently, open and short defect
minimization leads to conflicting objectives, and a trade-oft between space and width must be
made with limited routing resources. Specifically, to minimize shorts, available space must be
distributed evenly between wires, which is known as “wire spreading.” This method was prac-
tical in aluminum technologies because ds,>>dp, . Since the wirelength objective of routing
results in packed wires (Figure 8.18a), wire spreading algorithms distribute spacing as evenly as
possible to minimize shorts (Figure 8.18b). Wire spreading reduces wire coupling capacitance and
thus improves timing. Postrouting wire spreading, based on linear programming techniques, was
proposed in [86]. Methods for wire spreading during routing are described in [87]. Compared
with minimization of shorts, minimization of opens is much more difficult, because it causes wire
width to increase, which increases wire capacitance and may degrade timing. An algorithm simul-
taneously minimizing opens and shorts in track routing stage is proposed in [88]. An approach
for yield optimization in global routing that can handle Equation 8.2 as an objective is presented
in [43]. In summary, the full problem of minimizing wiring opens and shorts has to be solved by
combining yield optimization and a timing-driven router with the wire spreading capability.
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FIGURE 8.18 Single layer of routing (a) without wire spreading and (b) with wire spreading.

In deep-submicron technologies, many sources of systematic defects have emerged, which
can be addressed by routing techniques. These sources of systematic defects include via yield and
reliability, antenna effects, optical proximity correction (OPC) effects, and density effects. Unlike
random defects, these effects have been systematically understood but have complex physical
drivers, which are generally not sufficiently captured by DRC and LVS checks. Therefore, they
have to be avoided with additional efforts made in the manufacturing process and EDA tools.

Via shapes are the smallest, most numerous, and most difficult shapes to manufacture in an
IC. The first reported method for improving the manufacturability of vias was patented in [89].
Redundant via insertion can be implemented by an algorithm for postrouting insertion of vias
that are more robust than the minimum size single vias. Examples of such vias can be seen in
Figure 8.19. One kind of via (e.g., double and loop via) consists of two or more via shapes cov-
ered by one metal shape above and one metal shape below, and the redundant via shapes in the
via improve its robustness. Vias need not be redundant to be robust: larger via shapes can also
improve yield and reliability. Figure 8.19 shows the drawings of some of the multiple choices for
robust via solutions in modern technologies. Given a set of vias to select from, the task of redun-
dant via insertion algorithms consists of ranking these vias in terms of robustness, followed by
attempts to replace vias with more robust variants in a DRC clean manner. Via yields can be
further improved by the addition of nontree routing [90].

Bar

Single

Loop Double Large

FIGURE 8.19 Choices of vias: single vias are smallest but have the worse yield, resistance, and reli-
ability; loops and double vias are redundant solutions; bar and large vias are better in yield, reliability,
and resistance than singles.
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Another well-known systematic defect is the antenna effect. The antenna effect is a phe-
nomenon of plasma-induced gate oxide degradation caused by charge accumulation on metal.
During the fabrication process, the antenna effect leads to faults due to electrostatic discharge
through the gate. A path for charge dissipation is formed when metal is connected to a diffusion,
such as the source or drain of a transistor. The antenna effect occurs in a partially fabricated
net when a sufficiently large amount of metal is connected to a gate but remains isolated from
diffusion, as illustrated in Figure 8.20. There are three solutions for this problem: postrouting
insertion of wire jumpers reducing the metal area connected to the gate [91] (Figure 8.21a and b),
postrouting insertion of diode protect cells [92] (Figure 8.21c), and proactive antenna avoidance
routing [93] (Figure 8.22).
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FIGURE8.20 (a) A cross section of a net routing solution using two layers of metal. (b) The antenna
effect problem on the net routing solution. During fabrication, before the addition of Metal2, the
long Metall wire connected to the gate becomes charged and then destroys the gate.
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(©

FIGURE 8.21 (a) The routing solution with addition of a wire jumper around the load side.
(b) With the wire jumper, the Metall wire is disconnected from the gate during fabrication to avoid
the antenna effect. () By adding an extra diode around the load side, the Metall wire will connect to
the diffusion of the diode during fabrication, fixing the antenna effect.
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FIGURE 8.22 (3) The routing solution avoids connecting the long Metall wire to the gate of the
load during fabrication. (b) The routing solution in (a) prevents the antenna effect.
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FIGURE 8.23 Overview of the dimensional scaling that is enabled by increasingly complex
multiple patterning techniques. (From Liebmann, L. et al. Demonstrating production quality multiple
exposure patterning aware routing for the 10 nm node, Proceedings of SPIE, 2014.)

OPC effects are driven by lithography. These effects are caused by the gap between the wave-
length of the manufacturing light source and the minimum manufactured feature size. As
seen in Figure 8.23, such subwavelength lithography has been the norm for IC fabrication since
the 65 nm node, adopted by the industry around 2005. OPC methods, also called “resolution
enhancement techniques” (RET), adjust and add subresolution features into layouts partially
compensating for the resolution gap (Figure 8.24a). These compensations in turn lead to lim-
its on printable features (Figure 8.24b). Consequently, fabricated shapes do not match drawn
shapes, and several deformations can occur, including corner rounding, line end pullback, wire
narrowing, pattern-dependent wire width variation, and ultimately forbidden pitches. The reader
is referred to Chapter 21 for detailed discussions on RET.

There are several approaches in routing to address OPC effects. Design rules are created with
the objective to leave enough space in the design for the OPC tools. The capabilities of the design
system can be limited by imposing radical design restrictions (RDRs) [95]. Examples of RDRs
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FIGURE 8.24 Optical proximity correction, (@) complex shape in blue with OPC shape in yellow,
and predicted contours in red and light blue, (b) photomicrograph of manufactured complex shape,
and (c) photomicrograph with fill shapes highlighted.

include prohibiting wrong-way routing and allowing only discrete widths. OPC effects can be
addressed directly inside the routers. OPC-aware routing has been approached by adding avoid-
ance techniques and through check and repair strategies. Fast detection of OPC problems for fix-
up has been addressed by fast model-based engines and by using pattern recognition [96]. Search
and repair techniques driven by several pattern-recognition schemes have been proposed in [97].

A class of systematic defects is driven by variations in the IC manufacturing process.
Manufacturing variation can prevent a circuit from satisfying the specifications or, even worse,
may lead to circuit failure. An important example of such manufacturing variation is that induced
during chemical mechanical polishing (CMP). CMP is used in the manufacturing process to pol-
ish the wafer whenever a planar surface is required. Planar surfaces are a key component in the
manufacturing of ICs with multiple layers of metal, and therefore, CMP is a major source of
variation and systematic defects in metallization. The variations in metal height caused by CMP
are largely dependent on the wire density. Uniform wire density leads to smaller variations. A
common way to reduce the CMP variation is to insert dummy metal shapes, also called dummy
fills (Figure 8.24<). Fill shapes can be created during or after routing. However, dummy fills could
increase coupling capacitance. Another way to reduce the CMP variations is to improve the uni-
formity of pattern density in routing. The work in [98] proposed a routing algorithm that directly
targets to minimize the amount of dummy fills inserted for CMP requirements.

Multipatterning, starting with double patterning, is a technique used for resolution enhance-
ment beyond OPC. Multipatterning techniques offer frequency doubling (or better) at the cost
of design complexity. An introductory text on resolution enhancement is found in [99]. The limit
for single patterning with OPC, with the current lithography solutions, is the 22 nm node. Later
nodes starting with the 20 nm node will use double, triple, and perhaps even higher levels of mul-
tipatterning for their critical layers. The continued evolution of more complex multipatterning
will be affected by the availability of economic alternatives such as extreme ultraviolet lithography.
Currently, there are three technology nodes, 20, 14, and 10 nm, which will use double and/or
triple patterning techniques.
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(a) (b)

FIGURE8.25 Single layer of colored routing for a double-patterning process: (@) double-patterning
compliant, colored, bi-directional routing, and (b) double-patterning and RDR compliant unidirec-
tional routing.

Multipatterning fabrication techniques impose significant new problems to routing and rout-
ing infrastructure. Double patterning is the first multipatterning technique in use, and it divides
the shapes in a layer into two masks or patterns. In a layout, the modeling of these two masks
is accomplished by a technique called coloring. New design rules are introduced to enforce the
spacing limitations between the shapes based on their color, including a same-color spacing Sg-
and a diff-color spacing Sp. Two different color shapes may connect, creating a stitch. Given an
uncolored layout of a single layer, the assignment of colors to shapes is solved by finding a two-
coloring solution for a conflict graph, where the nodes represent the shapes and the edges repre-
sent shapes whose spacing is less than Sg.. For a k-patterning technology, the problem is then to
find a k-coloring solution of the conflict graph. The process of assigning colors to shapes is also
known as “decomposition.” In the case of double patterning, where k = 2, polynomial time algo-
rithms are known for finding a coloring. For triple patterning, where k = 3, the coloring problem
is known to be NP-complete, but several practical approaches have been proposed [100]. The
problem gets harder when stitching is allowed, and in that case, we must determine which shapes
to be split and stitched and also the locations for stitches.

There are two ways to achieve a colored design. The first approach starts with a design in an
uncolored state, and then through decomposition, DRC, and repair steps, the design will be col-
ored correctly. In this approach, since the initial design is after routing, a color-friendly routing
algorithm will minimize the chance of problems during decomposition. In [101], the path-search
algorithm used in routing is altered to achieve this goal. The second approach toward a colored
design is to color shapes by construction and therefore requires that designers and construc-
tion tools including routers produce colored designs at the beginning. This approach gives rise
to the color-aware routing problems. A color-aware routing solution is shown in Figure 8.25a.
Furthermore, combining RDRs with coloring, the routers can produce a practical solution for
double patterning as shown in Figure 8.25b.

8.12 CONCLUSIONS

Routing plays an important role in many aspects of the EDA design flow, where it significantly
affects performance, power, and area optimizations. As technology nodes change, the physical
shapes of the routing tracks and pins exhibit different properties (Section 8.2) and have led to
various routing methodologies. Custom routing (Section 8.3) techniques are applied for analog
circuits and localized areas that have DRC and LVS errors. For signal nets, single-net routing
algorithms include point-to-point routing (Section 8.4) and multipoint routing (Section 8.5).
Multiple-net signal-net routing techniques span from the classic multinet two-layer routing
(Section 8.6) to modern global routing methodologies (Section 8.7). Since the interconnect topol-
ogy and layer RC parasitics can affect delay and slew greatly (Section 8.8), routing could have a big
impact on the timing optimization. Because of the influences of routing on timing, specialized
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paradigms such as clock routing (Section 8.9) and interconnect synthesis (Section 8.10) have
emerged as active research problems. In addition, routing also has big impact on manufactur-
ability and yield, and therefore, various factors have to be considered in routing to improve the
overall yield (Section 8.11).

Routing algorithms have been actively researched since the 1950s and continue to be an active
area of study. As routing is the most technology-aware step in the EDA design flow, its many
algorithms must be continually improved to suit emerging technologies. Since routers are the last
construction tool used in IC design, their quality of results has important impacts on IC design
teams. The history of routing algorithms is rich, and closely linked to the advancement of the
EDA and semiconductor industries, and will continue to be so in the future.
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9.1 INTRODUCTION

A major focus of the electronics industry today is to miniaturize ICs by exploiting advanced
lithography technologies. This trend is expected to continue to the 7 nm node and, perhaps, beyond.
However, due to the increasing power, performance, and financial bottlenecks beyond 7 nm, the
semiconductor industry and academic researchers have begun to actively look for alternative
solutions. This search has led to the current focus on thinned and stacked 3D ICs, initially by wire
bond, later by flip chip and package on package (POP), most recently by through-silicon via (TSV)
[16,40,41,48,82], and in the near future by monolithic 3D ICs [7,78,67,68].* A 3D IC provides the
possibility of arranging and interconnecting digital and analog functional blocks across multiple
dies at a very fine level of granularity, as illustrated in Figure 9.1. This shortens interconnect, which
naturally translates into reduced delay and power consumption [6,32,48,63,77]. Historically, 3D
IC technology was first adopted in real-time image sensing [42] and recently by DRAM [33,37]
and flash memory [25]. Advances in 3D IC integration and packaging are gaining momentum and
have become of critical interest to the semiconductor community. However, the lack of physical
design tools that can handle TSVs and 3D die stacking—in addition to cost and yield—delays the
mainstream acceptance of this technology.

This chapter focuses on TSV-based 3D ICs that are different from 2.5D ICs based on inter-
poser technologies [71,75,76]. These 3D ICs are built by stacking bare dies and connecting them
with TSVs. TSVs are deployed in dies with active devices, not just passive components as in
2.5D ICs. The design methods discussed in this chapter are chip oriented as opposed to package
oriented, because our focus is on the quality of the chip, not its package. In a 3D IC built with
TSVs, the individual dies are fabricated separately and later bonded and connected with TSVs.
Another emerging technology for die stacking is monolithic 3D integration, where the dies are
grown on top of each other in a sequential fashion. This chapter focuses on 3D ICs built with
TSVs, not monolithic 3D integration, while we provide an overview of recent EDA work on the
latter topic in Section 9.5. We review design challenges, algorithms, design methodologies, and
technical details for key physical design steps targeting 3D ICs built with TSVs. We also exam-
ine related simulation results to evaluate the effectiveness of these techniques on real designs. The
history of physical design tool development for TSV-based 3D ICs is short, and new research is
reported at an increasing pace, as described in Section 9.5. Instead, we focus on the following
practical topics that 3D IC designers face during 3D IC adoption:

* Monolithic 3D IC technology has been commercialized in late 2014 by Samsung for flash memory [25]. However, the
application of this technology to logic is far behind: only a single or a small number of gates have been demonstrated
[7,67,68,78].
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FIGURE 9.1 A two-tier 3D IC with face-to-face bonding. (Image from Black, B. et al,, Die stacking
(3D) microarchitecture, in Proceedings of Annual International Symposium Microarchitecture, 2006.)

B TSV placement in block-level 3D ICs: In 3D ICs, block-level designs offer various
advantages over designs integrated at other levels of granularity, such as gate level,
because they promote the reuse of IP blocks. One fundamental problem in this design
style is the placement of TSVs, which have a profound impact not only on traditional
physical design objectives such as area, wirelength, timing, and power [36,81] but also
on reliability metrics including thermal and mechanical stress [30]. We study trade-offs
among the various ways to place TSVs in block-level designs, where TSVs are placed
between the blocks or form arrays at strategic locations.

B Low-power 3D IC design with block folding: Low power is a potential key benefit of
3D ICs, yet few thorough design studies explored it. We study several physical design
methodologies to reduce power consumption in 3D ICs. We use a large-scale com-
mercial-grade microprocessor (OpenSPARC T2) as a benchmark. Our specific focus is
on functional module partitioning schemes that further reduce wirelength and buffer
usage of individual modules used in a 3D IC design. We also study the needs for and the
development of several new physical design tools to serve this purpose.

In this chapter, we present self-contained algorithms and methodologies that EDA engineers
can implement from scratch, or in the form of pre- and postprocessing, or plug-ins to an existing
tool—either 2D or 3D IC tool—and reproduce the related results. In addition, we describe how 3D
IC designers can use various commercial tools built for 2D ICs to handle 3D IC physical design
with power, performance, and area (PPA) optimization, as well as multi-physics simulation and
reliability analysis. Our choices for particular tools used in this chapter are not due to the lack of
features in other tools (in fact, our decision should not discourage the use of other tools). On the
contrary, we hope to inspire the development of new EDA algorithms, software, and methodolo-
gies. We conclude each section by discussing related issues and implications that EDA engineers
may face during tool development for 3D IC physical design.

9.2 WHAT IS A THROUGH-SILICON VIA?

A through-silicon via (TSV) is a micron scale via that vertically penetrates either the silicon sub-
strate or the entire IC stack. TSV is currently the de facto standard for the die-to-die interconnect
in 3D ICs. A TSV is typically made up of a copper pillar surrounded by a silicon dioxide liner.
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In addition, tungsten pillars and benzocyclobutene (BCB) liners are used to mitigate TSV-induced
mechanical stress issues such as delamination and cracks. As of early 2015, TSVs are usually a
single-digit micron in diameter and two-digit micron in height [16,40,41,82]. The RC parasitics vary
even more widely depending on the material, process, and geometric parameters. The TSV resis-
tance is roughly an order of magnitude smaller than that of a back-end-of-line (BEOL) via, while
the capacitance is one or two orders of magnitude larger. The keep-out zone (KOZ) is defined as a
rectangular region surrounding a TSV, where the placement of devices is strictly forbidden. A KOZ
is required to minimize adverse issues such as cracks and timing variations of nearby devices.

Depending on when the TSVs are fabricated, two major TSV types exist: via first and via last,
as illustrated in Figure 9.2a. In the via-first case, TSVs are fabricated before CMOS or BEOL
(back end of line) metallization. The dimensions of via-first TSVs are typically smaller (1-10 um
diameter), with aspect ratios (height:diameter) of 5:1 to 10:1. Via-last TSVs, on the other hand, are
created after BEOL or bonding, essentially when the wafer is finished. In this case, the processing
can be done at the foundry or the packaging house. The via-last TSV diameter is typically wider
(10-50 um), with aspect ratios of 2:1:5:1.

An important benefit of TSV-based 3D IC is wirelength reduction, which leads to power and
delay savings [6,32,48,63,77]. However, the sheer size of TSVs is identified as a major impediment for
the greater usage of TSVs. According to the 2013 ITRS [26], the TSV diameter is projected to
range from 1.5 to 1.0 um between 2009 and 2015. However, the area of a four-transistor NAND
gate is projected to range from 0.82 to 0.20 pm? during the same period. This means that the
area ratio between TSVs and logic gates is projected to increase from 2.74 (= 2.25/0.82) to
5 (= 1.0/0.20). This TSV-to-gate-size ratio becomes even larger if the KOZ is considered. This area
overhead issue—which becomes the burden for physical design to minimize—directly influences
the achievable performance-power trade-off curves of 3D ICs. Moveover, it was demonstrated
in [37] that TSVs at the full-chip level can easily occupy 20%—30% of the die area even after
careful partitioning. These concerns call for EDA tools that carefully consider the impact of
TSV size during the partitioning, placement, routing, and clock tree synthesis stages of physical
implementation. Tools are also needed to capture the RC parasitics of these large TSVs and their
impact on circuit power and performance.

9.2.1 THROUGH-SILICON VIA (TSV) MANUFACTURING

There are two main technologies for manufacturing TSVs: dry etching (Bosch etching) and laser
drilling [48]. Laser drilling is faster and cheaper but cannot produce TSVs with small diameter
or high aspect ratio. Thus, laser drilling is preferred for via-last TSVs, while the Bosch etching
is more frequently used for via-first TSVs [48]. Polysilicon, copper, and tungsten are the most
popular materials for TSV fill. Silicon dioxide is a popular material for the liner that sits between
the TSV and the silicon substrate for insulation purposes.
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FIGURE 9.2 (3) TSV type and landing pads (shown with face-to-back bonding), (b) die bonding
styles (shown with via-first TSV). (Image from Lim, SK, SV-aware 3D physical design tool needs for
faster mainstream acceptance of 3D ICs, in ACM DAC Knowledge Center, 2010.)
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After the formation of the metal-filled holes, the chips are thinned and bonded together.
Thinning is done by grinding, chemical mechanical planarization (CMP), or by a wet chemical
process. A silicon or glass carrier is typically used here, where the wafer is turned upside down
and temporarily bonded to the carrier. Depending on which sides of the dies are bonded together,
there exist three types of bonding styles, namely, face-to-face, face-to-back, and back-to-back, as
illustrated in Figure 9.2b. Some of the popular bonding technologies [41] include oxide fusion,
metal-to-metal, copper-to-copper, micro-bumping, and polymer adhesive bonding. Note that
face-to-face bonding does not utilize TSVs because the interconnect between the dies is estab-
lished by using metal layers only.

From the perspective of physical design, via-first TSVs are less intrusive because they interfere
only with the device, M1, and top layers, whereas via-last TSVs interfere with all layers in the
die, as illustrated in Figure 9.2a. Via-first TSVs have their landing pads on M1 and the top metal
layers, whereas via-last TSVs have their landing pads only on the top metal layers. A landing pad
includes keep-out zones around it to reduce electrical coupling and mechanical damage to nearby
devices and interconnects. The connections between via-first TSVs are made using local inter-
connect and vias between adjacent dies, whereas via-last TSVs are stacked on top of each other, as
illustrated in Figure 9.2a. Therefore, via-first TSVs are normally used for signal and clock delivery,
whereas power delivery networks utilize via-last TSVs.

9.2.2 3DICTOOL AVAILABILITY AS OF EARLY 2015
Ansys [2] offers the following modeling and simulation tools for 3D IC:

B RedHawk: Simulator for simultaneous switching noise, decoupling capacitance, and
on-chip and off-chip inductance for 3D IC.

B Sentinel-TI: Thermal simulation and mechanical stress integrity analysis platform for
stacked die/3D IC designs.

Atrenta [5] offers SpyGlass Physical 2.5D/3D that provides early estimates of area, timing,
and routability for RTL designers without the need for physical design expertise or tools for
2.5D/3D IC. It provides valuable physical reports and rules to identify area, congestion, and
timing issues at the early stages of the 3D IC design.

Cadence [10] offers

B Encounter: 3D IC physical design tool (placement, optimization, routing) for custom and
digital designs

QRC Extraction: 3D IC verification and analysis tool

Encounter DFT Architect: Design-for-test tool for 3D ICs

Design IP for wide-I1/O controller

SiP (System-in-Package) Co-design: IC/Package co-design tool

Mentor Graphics [50] offers

B Calibre: 3D IC physical verification, extraction, LVS, and DEM for 3D IC products: SiP,
silicon interposers, or stacked die with TSVs

B Tessent: Deterministic scan testing, embedded pattern compression, built-in self test,
specialized embedded memory test and repair, and boundary scan tool for 2.5D and 3D ICs

Synopsys [72] offers

B DFTMAX Test Automation: Design-for-Test tool for stacked die and TSV

B DesignWare STAR Memory System IP: Integrated memory test, diagnostic and repair
solution

m IC Compiler: 3D IC place-and-route tool, including TSV, microbump, silicon interposer
redistribution layer (RDL) and signal routing, power mesh creation, and interconnect checks
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B StarRC Ultra: Parasitic extraction tool with a support for TSV, microbump, interposer
RDL, and signal routing metal

® HSPICE and CustomSim: Multi-die interconnect simulation and analysis tool.

B PrimeRail: IR drop and EM analysis tool for 3D IC

® IC Validator: DRC for microbumps and TSVs, LVS connectivity checking between
stacked die

B Galaxy Custom Designer: Custom editor for silicon interposer RDL, signal routing, and
power mesh

B Sentaurus Interconnect: Thermo-mechanical stress analyzer to evaluate the impact of
TSVs and microbumps used in multi-die stacks

Xilinx offers 3D IC EDA tools to the customers of its 3D FPGA devices [81].
Among the other vendors, 3D IC layout editors are offered by Micro Magic [51] and R3
Logic [64], while 3DInCites [1] offers an up-to-date list of 3D EDA activities.

9.3 TSV PLACEMENT IN BLOCK-LEVEL 3D ICs

In general, block-level designs offer various advantages over designs done at lower levels of gran-
ularity, such as gate level, because they promote the reuse of existing hard IP blocks. The same
philosophy applies to 3D ICs, where the IPs can be assembled into multiple tiers and connected
with intra- and/or inter-tier vias and interconnects. In addition, chip-scale IPs such as a multi-
core design or an entire L2 cache can be easily stacked and assembled in 3D ICs. A major physical
design challenge in block-level 3D IC designs is TSV placement. In this section, we review trade-
offs among various ways to place TSVs in block-level designs, where TSVs are placed between the
blocks or form small and/or large arrays at strategic locations. We discuss three practical options
studied in [4], namely, TSV farm, TSV distributed, and TSV whitespace. Other options published
in the literature include [39,74]. Depending on the location of through-silicon vias (TSVs) in the
bottom die, a redistribution layer (RDL) may become necessary on the backside of the bottom tier
to connect the two dies, as shown in Figure 9.3.

Among several possible configurations, we focus on a two-tier 3D IC, where the bottom die
has a larger footprint. A typical example of such a stacking includes a hybrid memory cube [73]
(= 3D DRAM) stacked on top of a multi-core processor. Both dies are facing down so that the heat
sink is located above the backside (= bulk) of the top die, and C4 bumps are below the frontside
(= top metal layer) of the bottom die. This stacking allows for better power delivery and poten-
tially better cooling if the top die consumes more power. We further assume that the design of the
top die is fixed so that we focus on the block-level design of the bottom die.

9.3.1 TSV PLACEMENT STYLES

When face-to-back bonding is utilized between two dies with different die sizes, redistribution-
layer (RDL) routing on the backside of the bottom die is required in some cases. If some TSVs in
the bottom die are outside the footprint area of the top die, RDL routing is necessary to connect
the TSVs to the bonding pads of the top die, as illustrated in Figure 9.3a. But if all TSVs inserted in

RDL
TSV
(@ (b)

FIGURE 9.3 A side view of a 3D IC. (a) With a redistribution layer (RDL), (b) without an RDL.
(Image from Athikulwongse, K. et al,, Block-level designs of die-to-wafer bonded 3D ICs and their
design quality tradeoffs, in Proceedings of Asia and South Pacific Design Automation Conference, 2013.)
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the bottom die are inside the footprint area of the top die as shown in Figure 9.3b, the TSVs in the
bottom die can be directly bonded to the bonding pads in the top die, without any RDL routing.

Although the RDL allows connections between TSV landing pads on the backside of the
bottom die and the bonding pads in the top die, it causes several negative effects. First of all,
typical wires on the RDL are wide, possibly as wide as the wires on the topmost metal layers.
Thus, their parasitic capacitance is much higher than local metal wires and cause timing
degradation and dynamic power overhead. In addition, the large minimum pitch between adjacent
wires in the RDL limits the minimum TSV pitch in a TSV array. For example, if four TSVs are
placed in a 2 x 2 array, they can be placed as close to each other as possible. However, if 25 TSVs
are placed ina 5 x 5 array, the TSV in the center cannot be routed by an escape routing unless the
TSV pitch is several times larger than the minimum pitch.

Our discussion distinguishes two options that are available for the design of 3D ICs with
different die sizes: (1) insert all TSVs inside the footprint area of the top die so that RDL routing is
not required or (2) insert TSVs wherever they are needed and perform RDL routing. The former
limits TSV locations but does not require RDL wires. The latter provides a higher degree of free-
dom on TSV locations but requires RDL wires. In addition, different TSV insertion styles lead to
very different layout qualities. We study three different design styles: TSV farm (without RDLs),
TSV distributed (with RDLs and regularly placed TSVs), and TSV whitespace (with RDLs and
irregularly placed TSVs), as shown in Figure 9.4.

(c)

FIGURE9.4 TSV placement stylesin the block-level 3D IC. (@) TSV-farm, (b) TSV-distributed, (c) TSV-
whitespace styles. TSVs are shown in white. (Image from Athikulwongse, K. et al,, Block-level designs
of die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of Asia and South
Pacific Design Automation Conference, 2013)
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9.3.2 ABLOCK-LEVEL 3D IC DESIGN FLOW

In [4], TSV insertion and floorplanning are performed in the bottom die as follows: in the
TSV-farm and the TSV-distributed styles, TSVs are pre-placed in arrays and treated as obstacles
during floorplanning. In the TSV-farm style, an array of TSVs are placed in the middle of the
bottom die. In the TSV-distributed style, on the other hand, TSVs are placed all over the bot-
tom die. Therefore, some of the TSVs are placed outside the footprint area of the top die. After
the TSVs are pre-placed, the floorplanning of the blocks is manually (or automatically using an
obstacle-aware floorplanner) performed. The following factors are considered for each style:

B TSV farm: Since functional blocks and TSVs should not overlap, the blocks are placed
around the TSV farm. Since the TSV farm area is usually large and occupies a prime
location in the chip footprint, this style may cause significant wirelength overhead if the
blocks are highly connected. On the other hand, if the inter-block connectivity is not
high, the TSV farm in the center does not cause a significant wirelength overhead.

B TSV distributed: In this style, TSVs may not cause a significant wirelength overhead.
This is because TSVs are grouped in small arrays unlike the one large array in the
TSV-farm style. However, some large blocks may have very few locations available for
their placement because they cannot be placed in the space between adjacent TSV
arrays. This design restriction may degrade wirelength, timing, and power. However,
the TSV-distributed style promotes low operating IC temperature and low TSV stress
because of the even distribution of TSVs.

B TSV whitespace: In this style, a 3D floorplanner is used first to obtain TSV-whitespace
style layouts. After floorplanning, TSVs are manually inserted into the whitespace
between blocks. Therefore, TSVs are placed in irregular positions, unlike the other two
styles. When there is not enough whitespace, the floorplan is perturbed by shifting
blocks to create or expand whitespace. Since a 3D floorplanner is invoked without any
restrictions imposed by TSVs, this style is expected to optimize the traditional objectives
such as power, performance, and area (PPA) better than other design styles.

Another noteworthy work in TSV management for block-level 3D ICs is by [39]. The authors
propose two styles, namely, legacy 2D and TSV islands. In the legacy 2D style, functional blocks
are first floorplanned, and then TSVs are inserted in the whitespace for inter-block connection.
This style resembles the TSV-whitespace case explained earlier, where the location of TSVs is
irregular and TSVs do not tend to form groups. In the TSV island style, TSVs are grouped to form
small islands. Unlike the TSV-distributed case earlier, however, the location of these islands is
irregular. The authors presented a net clustering approach to group TSVs into islands while not
degrading the initial 3D floorplan quality.

9.3.3 A3DICDESIGN EVALUATION METHODOLOGY

A timing and power analysis flow for 3D IC [34] is shown in Figure 9.5. First, parasitic resistance
and capacitance of each die are extracted using, for example, Cadence QRC Extraction. Since the
face-to-back die bonding style is assumed, the capacitive coupling between the bottom and the
top dies is negligible.* The parasitic resistance and capacitance of the redistribution layer (RDL)
are extracted next.

For 3D static timing analysis, the top and the bottom dies are represented as modules in
a top-level Verilog file. A top-level SPEF file is also created. It includes not only the parasitic
resistance and capacitance of both dies but also resistance and capacitance of TSVs and the RDL
wires. For an accurate power analysis, the switching activity of all logic cells is obtained by a func-
tional simulation of the whole chip. Synopsys PrimeTime is used to perform static timing and
power analysis, using the combined SPEF file that contains parasitics in both dies.

* If we use face-to-face bonding, this inter-die coupling must be extracted. Currently, such a tool does not exist.
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FIGURE 9.5 A timing and power analysis flow for 3D ICs. (Image from Athikulwongse, K. et al,,
Block-level designs of die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of
Asia and South Pacific Design Automation Conference, 2013

The thermal analysis flow for 3D IC is shown in Figure 9.6. This flow is built based on a com-
mercial tool, namely, Ansys FLUENT, and enhanced with custom plug-ins. First, a meshed
structure is created, where each thermal tile contains material composition information, such
as copper and dielectric density in the tile. This information is extracted from GDSII layout files,
which include logic cells as well as TSVs. These files together with the power dissipation of each
logic cell are supplied to the layout analyzer. The layout information of a tile consists of the total
power dissipated in the tile, and thermal conductivity computed from the materials inside, such
as poly-silicon used for transistor gates, tungsten used for vias, copper used for TSVs, and dielec-
tric material. With a sufficiently small thermal tile size, the equivalent thermal conductivity can
be computed based on a thermal resistive model [80]. Once the thermal equations are built,
FLUENT solves them to obtain temperature values at all thermal tiles.

Top-die DEF/GDSII

[Bot—die DEF/GDSII J [ TSV ] [ Logic cell ]
position power

| Layout and material property analyzer |
[ : J ( : J : J
\l/ \l/ Boundary
| | conditions
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3D IC Thermal maps

FIGURE 9.6 A GDSII layout-level thermal analysis flow for 3D ICs. (Image from Athikulwongse, K. et al,,
Block-level designs of die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of
Asia and South Pacific Design Automation Conference, 2013
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The mechanical stress of a 3D IC layout can be analyzed using the stress analyzer obtained
from [29]. The inputs to the analyzer are die size, TSV diameter, TSV locations, simulation grid
density, and pre-computed data of TSV stress tensor. The analyzer outputs a von Mises stress
map [18], which is a widely used mechanical reliability diagnostic. The computation of stress at a
point affected by multiple TSVs is based on the principle of linear superposition of stress tensors.
With stress tensors obtained from finite element analysis (FEA) using a commercial tool such as
ABAQUS FEA, we can perform a full-chip stress analysis.

9.3.4 SIMULATION RESULTS

In this simulation, we use a 45 nm technology [55]. An open-source hardware IP core [56]
is synthesized using an open cell library [53]. We assume a high thermal conductivity mold-
ing compound [24]. The total numbers of gates in the benchmark design is 1,363,536. The total
number of functional blocks, inter-block nets, and TSVs used are 69, 1853, and 312, respectively.
The same partitioning and thus the same number of TSVs are used in all the three TSV placement
styles for fair comparisons. The TSV size is 10 pm, and TSV pitch is 30 um. The parasitic capacitance
and resistance are 50 fF and 50 mQ), respectively. RDL wire width and spacing of 0.4 pm is used
in the experiments.

9341 WIRELENGTH AND TIMING RESULTS

The silicon area, footprint, and block-to-block (B2B) and RDL wirelength of the three styles
are shown in Table 9.1. The same area and footprint for all three styles are used: 3.979 and
2.766 mm?, respectively. The TSV-farm style shows the shortest wirelength because all the
TSVs occupy only one area in the middle of the die, confining the obstruction of an optimal
block placement to a small area. The TSV-distributed style shows the longest block-to-block
wirelength (27% longer than the TSV-farm style) because the TSV arrays distributed all over
the die obstruct an optimal block placement. The TSV-whitespace style shows a slightly lon-
ger wirelength (2%) than the TSV-farm style because we start from optimal block placement
and moves blocks only when it is necessary to insert TSVs in some positions. Most TSVs are
inserted in the original whitespace and do not interfere with the placement of the blocks very
much. In addition, the TSV-distributed and the TSV-whitespace styles require RDL routing,
as shown in Figure 9.7.

The longest path delay (LPD), without and with timing optimization, are also shown in
Table 9.1. The timing optimization proposed in [44] is used with the target delay of 1.25 ns.
Without timing optimization, none of the designs meets the target delay; however, the TSV-farm
style shows the shortest delay. With timing optimization, all designs almost met the target delay,
and the delay of the TSV-farm style is still the shortest. The delay of the TSV-distributed and the
TSV-whitespace styles is longer than that of the TSV-farm style by 10% and 15%, respectively.
Because of the long wirelength, it is hard to optimize both the TSV-distributed and the TSV-
whitespace styles. In addition, no buffer can be added along the RDL routing because the routing
is on the backside of the bottom die.

TABLE 9.1 Comparison of Wirelength and Longest Path Delay (LPD) with or without
Timing Optimization

Design Style Wirelength (m) LPD (ns)
Block-to-Block RDL w/o w/opt.

TSV farm 1.447 (100.00%) — 3.136 1.293 (100.009%)

TSV distributed 1.842 (+27.30%) 0.170 4252 1.425 (+10.20%)

TSV whitespace 1483 (+2.46%) 0.176 4.568 1492 (+15.38%)
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FIGURE 9.7 A redistribution layer (RDL) routing for the TSV-whitespace style, where the two dies
are bonded using a wide-I/O interface. (Image from Athikulwongse, K. et al,, Block-level designs of
die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of Asia and South Pacific
Design Automation Conference, 2013.)

9.34.2 POWER CONSUMPTION, THERMAL, AND STRESS RESULTS

We now compare power consumption, thermal, and mechanical stress among the three TSV
placement styles when they are operating at their maximum frequency, as shown in Table 9.1.*
First, the total power consumption is shown in Table 9.2. We observe that the TSV-distributed
and the TSV-whitespace styles consume 6% and 10% less power than the TSV-farm style.

The maximum, minimum, and average temperatures are shown in Table 9.2. Although the
minimum and average temperatures across all the three designs are close, the maximum
temperature of the three designs is different. The TSV-distributed style shows that the low-
est maximum temperature, not because it consumes less power—resulting from relatively low
speed—but primarily because TSVs distributed all over the die, helps conduct heat. The TSV-
farm style shows a high maximum temperature because TSVs in the center of the die cannot help
conduct heat from high-power blocks far from them. The TSV-whitespace style also shows high
maximum temperature although it consumes the least power for the same reason. The thermal
profiles of the TSV-farm, TSV-distributed, and TSV-whitespace styles computed, based on the
maximum operating speed, are shown in Figure 9.8. We see that TSVs help reduce temperature,
and the local cool spots correspond to TSV array locations. The TSV-distributed style shows the
lowest maximum temperature because TSVs are distributed across the die. The TSV-whitespace
style exhibits the highest temperature because high-power blocks can be far from TSVs.

TABLE9.2 Comparison of Power Consumption and Temperature

Design Style Py (MW) Tax (°C) Tooin (°C) T, (°C)
TSV farm 1183 (100.00%) 76.87 38.04 47.56
TSV distributed 1107 (—6.40%) 6243 39.15 46.28
TSV whitespace 1065 (—9.99%) 77.04 38.65 46.19

* Note that it is also possible to conduct simulations under the same clock frequency and compare power and thermal
qualities. This iso-performance comparison—although meaningful—is beyond the scope of this chapter.
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(a) (b) (©

FIGURE 9.8 Temperature maps for (a) TSV-farm, (b) TSV-distributed, and (c) TSV-whitespace styles.
The actual values are reported in Table 9.2. (Image from Athikulwongse, K. et al., Block-level designs of
die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of Asia and South Pacific
Design Automation Conference, 2013.)

The maximum and average stress values are shown in Table 9.3. The area with stress higher
than 10 MPa (mega-pascal) is also shown in the table. Despite high TSV density, the TSV-farm
style shows the lowest maximum stress among the designs. This is primarily due to the phenom-
enon called destructive interference of stress, where some vertical and horizontal stress vectors
cancel each other in a TSV array [28]. We see that the maximum von Mises stress values reduce
because of the interference. The average stresses above the 10-MPa threshold on the die, on the
other hand, show the opposite trend. The TSV-farm style shows the highest average stress. When
many TSVs are packed into a confined area, the impact of interference from non-neighboring
TSVs becomes noticeable. This phenomenon may overwhelm the destructive interference of
stress and accumulate high levels of overall stress. Therefore, the TSV-farm style shows higher
average stress values compared with others. Last, the TSV-whitespace style shows the largest area
of stress above the threshold and the TSV-farm style the smallest. It is mainly due to the fact that
the area occupied by the TSV arrays and their keep-out zones is the smallest in the TSV-farm
case. The stress profiles of three different styles are shown in Figure 9.9.

9343 SUMMARY

We explored design trade-offs among three practical TSV placement styles. Because of the
absence of RDL wiring, the TSV-farm style showed the best timing. The design in this style shows
the highest average stress, but the area impacted by stress is the smallest. This means that a high
level of stress is confined to a small area, and thus, the overall reliability could be worse. The TSV-
distributed style showed the worst wirelength because TSV arrays interfere with block placement.
However, it showed the lowest temperature because TSVs distributed across the die help reduce
temperature.

Simulation results shown in this chapter are heavily design and technology dependent.
The wirelength, timing, power, thermal, and stress results can vary significantly from one
design to another based on the following factors: the total number of blocks and their intra-
and inter-die connectivity (= TSV and RDL requirements), TSV and RDL dimension and keep-
out-zone (KOZ) requirements, the device and interconnect technologies, material properties

TABLE 9.3 Comparison of TSV Mechanical Stress

Design Style G,.ax (MPa) Gve,0-10 (MPa) Area,,, (mm?)
TSV farm 676.78 (100.0%) 150.20 (100.0%) 0.353 (100.00%)
TSV distributed 691.29 (+2.1%) 97.73 (—34.9%) 0.598 (+69.7%)

TSV whitespace 688.99 (+1.8%) 88.95 (—40.8%) 0.695 (+97.2%)
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FIGURE 9.9 Stress maps for (@) TSV-farm, (b) TSV-distributed, and (c) TSV-whitespace styles.
The actual values are reported in Table 9.3. (Image from Athikulwongse, K. et al., Block-level
designs of die-to-wafer bonded 3D ICs and their design quality tradeoffs, in Proceedings of Asia and
South Pacific Design Automation Conference, 2013

and their coefficient-of-thermal expansion (CTE) mismatch, etc. Thus, the TSV-farm versus
TSV-distributed versus TSV-whitespace comparisons discussed in this chapter are to be treated
as case studies. These comparisons illustrate that the EDA tools that handle the design, analysis,
and optimization of 3D ICs under these requirements are the key in choosing the best possible
options for a target application to be implemented in a 3D IC.

9.3.5 NEEDS FOR EDA TOOL DEVELOPMENT

We suggest the following requirements to the algorithm and tool developers of TSV placement
tools for block-level 3D IC designs. First, it is crucial to understand the power, performance, area
(PPA), and multi-physics (= electro-thermo-mechanical) reliability trade-offs among different
design styles. While this chapter explores three styles, namely, TSV-farm, TSV-distributed,
and TSV-whitespace, additional design styles are possible [39]: TSVs can be placed along the
periphery or at some custom locations specified by the designers. The PPA and multi-physics
reliability qualities can differ significantly among these options, and the tool needs to offer
accurate assessment of these TSV placement solutions.

Second, block-level design for 3D IC, that is, 3D floorplanning, will still be performed manually
for small- and medium-size designs. In this case, PPA and reliability analysis will be the only tool
required, where accuracy and runtime will be the key objectives. In case an automatic floorplan-
ner is desired to handle very large floorplanning problems, the tool must offer either (1) compa-
rable quality solutions at a fraction of runtime or (2) better quality solutions while not requiring a
prohibitive runtime, both compared with manual floorplanning. In either case, the key challenge
is that the optimization engine used in the floorplanner, including Analytical [21,87], Simulated
Annealing [14,17], Genetic Algorithm, Machine Learning, etc., needs to effectively and efficiently
search the solution space and evaluate the PPA and reliability of each candidate solution quickly
but accurately.

Third, the floorplanner must be able to handle various technological options available in
3D IC, including the TSV geometries (size, keep-out-zone [KOZ] requirement, etc.), bonding
styles (face-to-face, face-to-back, back-to-back), and multi-physics properties of the chip
elements. These parameters may be fixed in the early design stage, or the choice may be given
to the designers to choose the best option. In case of the latter, the additional dimensions for
optimization that must be explored, for example, 1 um versus 2 um KOZ, face-to-face versus
face-to-back, silicon dioxide versus benzo-cyclo-butene liner for TSV, etc., will further com-
plicate the overall floorplanning process. Algorithms and tools developed for this purpose will
need to accurately capture the impact of these choices on full-chip PPA and reliability while
searching for optimum solutions.
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9.4 LOW-POWER 3D IC DESIGN WITH BLOCK FOLDING

We review the 3D block folding methods described in [32] that are developed to reduce power
consumption in 3D ICs on top of the traditional 3D floorplanning. This study is based on the
OpenSPARC T2 (an 8-core 64-bit SPARC SoC) design database and Synopsys 28 nm process
design kit (PDK) with nine metal layers that are both available to the academic community.*
We first discuss how to build, analyze, and optimize GDSII-level 2D and two-tier 3D layouts
using industry EDA tools and enhancements. Based on this design environment, we study how
to rearrange blocks into 3D to reduce power. Next, we explore block folding methods, that
is, partitioning a block into two subblocks and bonding them to achieve power savings in the 3D
design. We employ a mixed-size 3D placer for block folding. Last, we demonstrate system-level
3D power benefits by assembling folded blocks.

9.4.1 TARGET BENCHMARK AND 3D IC DESIGN FLOW

The OpenSPARC T2, an open-source commercial microprocessor from Sun Microsystems with
500 million transistors, consists of 53 blocks including eight SPARC cores (SPC), eight L2-cache
data banks (L2D), eight L2-cache tags (L2T), eight L2-cache miss buffers (L2B), and a cache
crossbar (CCX). Each block is synthesized with 28 nm cell and memory macro libraries. For the
2D design, we follow the original T2 floorplan [54] as much as possible, as shown in Figure 9.10.
In addition, special care is taken to optimize both connectivity and data flow between blocks to
reduce inter-block wirelength.

The RTL-to-GDSII tool chain for 3D IC design used here is based on commercial tools,
and enhanced with in-house tools to handle TSVs and 3D stacking. With the initial
design constraints, the entire 3D netlist is synthesized. The layout of each die is done sep-
arately based on the 3D floorplanning result. With a given target timing constraint, cells and

FIGURE 9.10 GDSlII layouts of OpenSPARC T2 (full chip): 2D IC design (9 x 79 mm?). (Image from
Jung, M. et al,, On enhancing power benefits in 3D ICs: Block folding and bonding styles perspective,
in Proceedings of ACM Design Automation Conference, 2014.)

* Synopsys has developed a 32/28 nm Interoperable PDK for its University Program members to use specifics of modern
technologies. This PDK enables students to master design of digital, analog, and mixed-signal ICs, using the latest
Synopsys Custom Implementation tools and utilizing IP-free technology, with parameters and peculiarities close to
real processes.
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FIGURE 9.11 3D IC GDSII layouts of OpenSPARC T2 (full chip): core/cache stacking (6 X 6.4 mm?,
#TSV =3263). (Image from Jung, M. et al,, On enhancing power benefits in 3D ICs: Block folding and
bonding styles perspective, in Proceedings of ACM Design Automation Conference, 2014.)

memory macros are placed in each block. Note that we only utilize regular-Vt (RVT) cells as
a baseline. The netlists and the extracted parasitic files are used for 3D static timing analysis,
using Synopsys PrimeTime to obtain new timing constraints for each block’s I/O pins as well
as die boundaries (= TSVs). In this section, we assume two-tier, face-to-back bonded 3D ICs.
We use the following parameters for TSV: diameter 3 pm, height 18 um, pitch 6 pm, resistance
0.043 Q, and capacitance 8.4 fF.

With these new timing constraints, we perform block-level and chip-level timing optimiza-
tions (buffer insertion and gate sizing) as well as power optimizations (gate sizing) using Cadence
Encounter. We improve the design quality through iterative optimization steps such as pre-CTS
(clock tree synthesis), post-CTS, and post-route optimizations. We utilize all nine metal layers for
the SPC design, which requires the most routing resources among all blocks. We use seven layers
for all other blocks. Thus, the top two metal layers can be utilized for over-the-block routing in the
chip-level design. Figure 9.11 shows a 3D IC design, where all cores are partitioned into one tier
and all L2 cache in another. This is one of the most popular approaches to die partitioning. We use
this design as another baseline—in addition to the 2D design shown in Figure 9.11—for compari-
son with a new partitioning scheme, named the block folding described in the next section.

9.4.2 ABLOCK FOLDING METHODOLOGY

So far in this chapter, a block-level design style is used in both 2D and 3D ICs. In this case, each
block in a 3D IC design occupies a single tier, and TSVs are placed outside the blocks to connect
them. In this section, we study block folding, where we take the tier-partitioning approach into
a finer-grained level: we partition a single block into multiple tiers under the same footprint and
connect them with TSVs that are placed inside the folded block.

94.21 BLOCK FOLDING CRITERIA

For the block folding to provide power saving, the following criteria need to be met in the target
block to be folded:

®m The target block must consume a high enough portion of the total system power.
Otherwise, the power saving from the block folding could be negligible at the system
level. Blocks that consume over 1% of the total system power are listed in Table 9.4.
Note that the total power portion of SPC, L2D, and L2T is the average of the eight
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TABLE 9.4 2D IC Design Characteristics Used for Block Folding Candidate Selection

Block Total Power Portion (%) Net Power Portion (%) # Long Wires (K) Remark
SPC 5.8 55.1 27.7 CPU clock, 8x
RTX 36 444 27.5 1/O clock
CCX 28 576 124 CPU clock
12D 2.1 29.2 6.5 8%

L2T 1.8 485 6.0 8x

RDP 1.7 489 52 1/0 clock

TDS 1.3 431 4.8 1/0 clock
DMU 1.1 40.7 54 1/0 clock

Long wires are defined as the wires longer than 100x the standard cell height. The CPU clock runs at 500 MHz and the 1/O clock
at 250 MHz.

corresponding blocks. Thus, SPC, L2D, and L2T are outstanding target blocks. In addi-
tion, RTX and CCX consume high power as a single block and hence could provide non-
negligible power benefit if folded.

B The net power portion of the target block needs to be high. If the block is cell power
dominated,* the wirelength reduction of the folded block may not reduce the total power
noticeably. Therefore, SPC and CCX are attractive blocks to fold. L2D shows a relatively
low net power portion compared with other blocks, as it is the memory dominated block
that contains 512 kB (32-16 kB memory macros in our implementation).

B The target block must contain many long wires so that the wirelength decreases, and
hence, the net power reduction in the folded block can be maximized. In this study, we
define long wires as wires longer than 100x the standard cell height. We observe that
SPC, RTX, and CCX have a large number of long wires.

In our study, we fold five blocks: SPC, CCX, L2D, L2T, and RTX. In the following sections,
we discuss block folding methodologies for SPC, CCX, and L2D. Each block shows distinctive

folding characteristics. Before this, we briefly explain the mixed-size 3D placer that is employed
for block folding.

94.2.2 FOLDING EXAMPLES

In T2, eight cores use the cache crossbar (CCX) to exchange data stored in eight L2-cache banks.
This crossbar is divided into two separate modules, the processor-to-cache crossbar (PCX) and
the cache-to-processor crossbar (CPX). There are no signal connections between these two
blocks except for the clock and a few test signals. The PCX occupies 48% of the block area and
utilizes 48% of the CCX I/O pins, and the CPX uses the rest of them. Thus, the natural way to
fold this crossbar is by placing the entire PCX block in one die and the CPX in another die, along
with related I/O pins.

Sample 2D and 3D crossbar layouts are shown in Figure 9.12. Interestingly, in the 2D design,
we see that the PCX and CPX blocks are separated into several groups. The PCX has eight sources
(SPCs) and nine targets (eight L2-cache banks and the I/O bridge). The PCX I/O pin locations
are determined based on the target core and L2-cache bank locations in the chip-level floorplan,
which in turn attracts connected cells. Because of this, the cells of the PCX block tend to be
placed far apart, which degrades cell-to-cell wirelength significantly. However, folding the cross-
bar eliminates this problem and hence cell-to-cell wirelength decreases by 31.7% compared with

* Cell power, also known as the internal power, is the power consumed within the boundary of a cell, including intra-cell
switching power and short-circuit power.
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FIGURE9.12 Cache crossbar (CCX) module 2D IC and 3D IC layouts. (@) A 2D IC design. The Cache-
to-Processor (CPX) sub-module is highlighted with white color. (b) A 3D IC design (# TSV = 4). (Image
from Jung, M. et al, On enhancing power benefits in 3D ICs: Block folding and bonding styles
perspective, in Proceedings of ACM Design Automation Conference, 2014.)

the 2D. The folded crossbar leads to 54.6% reduced footprint, 28.8% shorter wirelength, 62.5% less
buffer count, and 32.8% power reduction over the 2D counterpart.

Note that only four signal TSVs are used in this folded design, and this is due to the unique
characteristics of the CCX module itself. However, we must consider the connections in and
out of CCX to cores and cache blocks so that the overall TSV count is minimized in the full-
chip 3D IC layout. Last, we examine whether different 3D partitions with more 3D connec-
tions can provide better power savings. However, as we increase the TSV count up to 6393,
the 3D power benefit reduces down to 23.4%, largely due to the area overhead of TSVs (13.3%).

The single L2-cache data bank contains a 512 kB memory array. This L2D is further divided
into four logical sub-banks. In our implementation, each sub-bank group is partitioned into eight
blocks of size 16 kB each. The L2D is a memory macro dominated design, and hence, there are
not many 3D partitioning options to balance area after folding. Thus, two sub-banks are placed in
each die along with related logic cells. Although the buffer count and wirelength reduce by 33.5%
and 6.4%, respectively, in the folded L2D, their impact on the total power saving is not significant
(5.1% reduction over 2D), as shown in Table 9.5. This is because both cell and leakage power are
dominated by memory macros, which 3D folding cannot improve unless these memory macros
themselves are folded. Additionally, the net power portion is only about 29% of the total power
in 2D, and hence, the small net power reduction in 3D does not lead to a noticeable total power
reduction. Still, the footprint area reduction of 48.4% is nonnegligible, and this might affect chip-
level design quality.

In case of the SPARC core (SPC), we employ the block folding strategy for one additional step:
we fold the blocks inside SPC, which contains 14 blocks including two integer execution units
(EXU), a floating point and graphics unit (FGU), five instruction fetch units (IFU), and a load/
store unit (LSU). This SPC is the highest power consuming block in T2. We apply the same block
folding criteria discussed in Section 9.4.2 and fold six blocks as shown in Figure 9.13. We call this
second-level folding. With this second-level folding, we obtain 9.2% shorter wirelength, 10.8% less
buffers, and 5.1% reduced power consumption than the SPC without second-level folding, that is,
a block-level 3D design of the SPC. Additionally, this 3D SPC achieves 21.2% power saving over
the 2D SPC.
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TABLE 9.5 Comparison between 2D IC and 3D IC Level-2 Cache Data (L2D)
Module Designs

L2D 2D 3D Diff (%)
Footprint (mm?) 2.54 1.31 —484
Wirelength (m) 341 3.19 —-64
# cells (x10°) 53.1 42.2 -20.5
# buffers (x106) 38.1 253 —335
Total power (mW) 172.9 164.0 -5.1
Cell power (mW) 2538 246 -47
Net power (mW) 50.5 44.5 -11.9
Leakage power (mW) 96.6 949 -1.8

exu(_top exu0_bot

tluftop fgu_top tlufbot fgu_bot
exul_top exul_bot
Isu_top Isu_bot
ifu_ftu_top ifu_ftu_bot
Top die Bottom die

FIGURE 9.13 Second-level folding of a SPARC core. Six blocks inside the core shown in black text
are folded. (Image from Jung, M. et al, On enhancing power benefits in 3D ICs: Block folding and
bonding styles perspective, in Proceedings of ACM Design Automation Conference, 2014

9.4.3 FULL-CHIP ASSEMBLY AND SIMULATION RESULTS

Based on the criteria for block folding discussed in Section 9.4.2, SPC, CCX, L2D, L2T, and RTX
have been folded in the full-chip T2 design. Unlike the other four blocks, RTX runs at I/O clock
frequency (250 MHz). In addition, almost all signals to/from RTX are connected with MAC,
TDS, and RDP that form a network interface unit (NIU) with RTX. Thus, the impact of RTX
folding is limited to the RTX block and NIU. In this study, we use a T2 design with all five types
of blocks folded.

For the F2B (face-to-back) bonding, the bottom die of folded blocks uses up to M7 (TSV
landing pad at M1) as in unfolded blocks, while the top die utilizes up to M9 (TSV landing pad
at M9). Thus, M8 and M9 can be used for over-the-block routing including folded blocks in the
die bottom. The only exception is SPC that uses up to M9 for both dies, as this block requires
the most routing resources. This is why SPCs are placed in the top and the bottom of the chip, as
shown in Figure 9.14. Otherwise, these SPC blocks will act as inter-block routing blockages.
We place CCX in the center. There are about 300 wires between CCX and each SPC (or L2T).
Thus, in this implementation, wires between CCX and L2T are much shorter than those between
CCX and SPC. All other control units (SIU, NCU, DMU, and MCU) are placed in the center row
as well. Finally, NIU blocks are placed at the bottom-most part of the chip, as most connections
are confined to the NIU.

Up to this point, both 2D and 3D designs utilize only regular-Vth (RVT) cells. However,
the semiconductor industry has been using multi-Vth cells to further optimize power, especially
for leakage power, at the cost of more complex power distribution network design. We employ
high-Vth (HVT) cells to examine their impact on power consumption in 2D and 3D designs.
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FIGURE 9.14 3D IC GDSIl layouts of OpenSPARC T2 (full chip): block folding with TSVs
(6 X 6.6 mm?, #TSV = 69,091). (Image from Jung, M. et al., On enhancing power benefits in 3D
ICs: Block folding and bonding styles perspective, in Proceedings of ACM Design Automation
Conference, 2014.)

Each HVT cell is around 30% slower, yet has 50% lower leakage, and 5% smaller cell power
consumption than the RVT counterpart.

We now compare three full-chip T2 designs: 2D IC, 3D IC without folding (core/cache
stacking), and 3D IC with block folding (five types of blocks folded), all with a dual-Vth (DVT)
cell library. Detailed comparisons are shown in Table 9.6. We first observe higher HVT cell usage
in 3D designs, especially for the 3D with folding case (94.0% of cells are HVT). This is largely due
to better timing in 3D designs and helps reduce power in 3D ICs further. We observe that 3D
with folding case reduces the total power by 20.3% compared with the 2D and by 10.0% compared
with the 3D without folding case. This clearly demonstrates the effectiveness of block folding in
large-scale commercial-grade 3D designs for power reduction.

TABLE 9.6 A Full-Chip T2 Comparison among 2D IC, 3D IC without Block Folding
(Core/Cache Stacking), and 3D IC with Block Folding (Five Types of Blocks

Folded) Designs

2D 3D w/o Folding 3D w/o Folding
Footprint (mm?) 711 384 (—46.0%) 40.8 (—42.6%)
Wirelength (m) 339.7 321.3 (=5.5%) 309.6 (—8.9%)
# Cells (x109) 741 7.09 (—4.3%) 6.83 (—7.8%)
# Buffers (x109) 2.89 237 (=17.9%) 2.23 (—=22.8%)
#HVT cells (x10°) 6.50 (87.8%) 6.38 (90.0%) 6.42 (94.0%)
#TSV 0 3263 69,091
Total power (W) 8.240 7.113 (-13.7%) 6.570 (—-20.3%)
Cell power (W) 1.770 1.394 (—21.2%) 1.175 (—33.6%)
Net power (W) 4467 3.966 (—11.2%) 3.806 (—14.8%)
Leakage power (W) 2.003 1.753 (—12.4%) 1.589 (—24.2%)

The same dual-Vth design technique is applied to all cases. The numbers in parentheses indicate the difference against the
2D, except for the high-Vth (HVT) cell count reported as a % of the total cell count.
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9.5 To Probe Further

94.31 SUMMARY

We studied the power benefit of 3D ICs with an OpenSPARC T2 chip. To further enhance the
3D power benefit on top of the conventional 3D floorplanning method, the impact of block
folding methodologies was explored. With the aforementioned methods, a total power saving
of 20.3% was achieved against the 2D counterpart. Note that the 3D power benefit will increase
with a faster clock. With better timing in 3D, the discrepancy in terms of cell size and HVT
cell usage between 2D and 3D designs will increase, which in turn will enhance the 3D power
savings. Ongoing efforts address thermal issues in various 3D design styles with different bonding
styles, the impact of parasitics such as TSV-to-wire coupling capacitance on 3D power, and other
sources of 3D power benefit loss. Interested readers are referred to [32] for more details.

9.4.4 NEEDS FOR EDA TOOL DEVELOPMENT

The first physical design tool that is needed to support block folding is a mixed-size 3D placer
that can handle macros, gates, and TSVs, together for all dies in the stack. For a given block to be
folded, the tool must partition the macros and the gates into multiple dies, while optimizing the
number of connections (= TSVs) across the dies so that the PPA overhead of TSVs is minimized.
The next step is to place the objects into multiple dies while optimizing the overall PPA and
reliability. A TSV-based 3D placer based on a system of supply/demand of placement space was
presented in [36] but lacks the capability to handle hard macros. This capability can be added by
treating a hard macro as a large cell that demands some placement space. However, this leads to
large whitespace regions, called halos, in the vicinity of hard macros. Spindler et al. [70] solved
this issue by reducing the declared size of the hard macros. However, we observe that this tactic
is insufficient for extremely large hard macros such as memory banks in the L2 cache, for which
halos still exist.

An I/O pin partitioner for folded blocks is also needed because the inter-block routing
quality is largely affected by block I/O pins. In the extreme case, when all I/O pins of folded
blocks are placed in the die bottom, routing congestion and detour will be serious in this
die. This phenomenon in turn increases coupling capacitance and thus net power consump-
tion. Such a bad inter-block design quality can degrade intra-block design metrics as well.
Therefore, I/O pins of folded blocks need to be partitioned so that the inter-block wirelength
in both dies is balanced.

A 3D static timing analysis (STA) tool is a must for any 3D IC designer. The tool needs to
handle multiple dies simultaneously and perform fast and accurate timing calculations. In addi-
tion, all of the parasitics including TSV and micro-bump related, as well as cross-die elements,
must be extracted for a correct timing calculation. A true 3D buffer insertion tool is also required
for effective timing closure in 3D IC. In the current tool flow, we first calculate timing constraints
at die boundaries (= TSV connections), using a 3D STA tool. We then perform buffer insertion
and gate sizing for each die separately, using those timing constraints. We chose this suboptimal
approach simply because of the lack of a 3D IC buffer inserter. In an all-dies-together or true
3D approach, buffers are inserted and gates are sized while processing all dies at the same time
instead of individual dies separately.

9.5 TO PROBE FURTHER
9.5.1 3D IC FLOORPLANNING

Cong et al. [14] use a combined bucket and 2D array (CBA) representation to better explore the
solution space of the multi-tier module packing problem. They employ a fast but less accurate
hybrid resistive model and another accurate but relatively slow resistive model selectively within
their floorplanning to incorporate thermal awareness. Healy et al. [21] present a multi-objective
micro-architectural floorplanning algorithm for high-performance processors implemented using
3D ICs. The floorplanner determines the dimension and placement locations of the functional
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modules, taking into consideration thermal reliability, area, wirelength, vertical overlap, and
bonding-aware layer partitioning. This hybrid floorplanning approach combines linear program-
ming and simulated annealing.

Zhou et al. [89] use a three-stage force-directed optimization flow combined with legaliza-
tion techniques that eliminate block overlaps during multi-layer floorplanning. A temperature-
dependent leakage model is used to permit optimization based on the feedback loop connecting
thermal profile and leakage power consumption. Falkenstern et al. [17] focus on 3D floorplan and
power/ground (P/G) co-synthesis, which builds the floorplan and the P/G network concurrently.
Their tool integrates a 3D B*-tree floorplan representation, a resistive P/G mesh, and a simulated
annealing (SA) engine to explore the 3D floorplan and P/G network.

Tsai et al. [74] propose a two-stage 3D fixed-outline floorplan algorithm, where stage one
simultaneously plans hard macros and TSV blocks for wirelength reduction, while the next stage
improves the wirelength by reassigning signal TSVs. In [39], the authors show how to integrate 2D
IP blocks into 3D chips, without altering their layout. Their main idea is to optimize whitespace
for TSV insertion. Experiments indicate that the overhead of the proposed integration is small,
which can help accelerate the industry adoption of 3D integration.

9511 3D IC PLACEMENT

In [19], thermal vias are assigned to specific areas of a 3D IC and used to adjust their effective
thermal conductivities. Their method uses finite element analysis (FEA) to calculate temperatures
quickly during each iteration, while making iterative adjustments to these thermal conductivities in
order to achieve a desired thermal objective. Cong et al. [13] propose several techniques to obtain
3D IC layouts from 2D IC placement solutions through transformations. They present different
types of folding transformations, where cutlines are drawn and the chip is folded, to obtain 3D
IC placements. They provide a conflict-net graph based technique to reassign the cell layers to
reduce wirelength further.

The work of Kim et al. [37] is the first one, which reveals the significant area overhead of TSVs
in 3D IC placement. They present a force-directed 3D gate-level placement that efficiently handles
TSVs. The authors developed a technique for irregular TSV placement, where cells and TSVs are
placed together. In the case of regular TSV arrays, the cells are placed first, and next, they assign
TSVs to nets to complete routing. Athikulwongse et al. [3] present techniques to exploit TSV
stress to improve the timing of the design. They incorporate stress-aware mobility models into a
force-directed placement framework to improve the overall timing of the design. They also pro-
vide techniques to handle (1) regular TSV arrays, where only the standard cells are moved, and
(2) irregular TSV placements, where both standard cells and TSVs are placed together.

Hsu et al. [22] propose an algorithm that first performs 3D analytical global placement with a
density optimization step. This reserves whitespace for TSVs that will be inserted later. Next, the
authors perform TSV insertion into the layout and perform TSV-aware standard cell legalization.
Finally, they perform tier-by-tier detailed placement to optimize the wirelength further. Cong
et al. [12] propose a thermal-aware 3D placement method that considers both the thermal effect
and the area impact of TSVs. They demonstrate that the minimum temperature can be achieved
by making the TSV area in each placement bin proportional to the lumped power consumption
in that bin, together with the bins in all the tiers directly above it.

9.5.1.2 3D IC ROUTING AND BUFFERING

Cong and Zhang [15] compare multiple methods for thermal via insertion. They propose a heu-
ristic algorithm by planning thermal vias in vertical and horizontal directions. The authors claim
a 200x speed-up compared with a nonlinear programming problem formulation with a thermal
resistive model, with 1% difference in solution quality. Pathak and Lim [61] present an algorithm
for 3D Steiner tree construction and TSV relocation. A constructive Steiner routing algorithm is
used for the initial tree construction, while a linear programming method is subsequently used
to refine TSV locations for thermal optimization. The proposed algorithm reduces delay and
maximum temperature with comparable performance versus greedy methods.
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Two buffering algorithms are presented in [43]: van Ginneken-based and slew-aware buffer
insertion. The authors develop an efficient way to propagate slew information during the buffer
insertion for the nets that contain TSVs. They demonstrate significant buffer count and negative
slack (both the worst and the total) savings, compared with van Ginneken and another baseline
that is based on Cadence Encounter. The authors in [57,62] present an algorithm for signal routing
considering electro-migration (EM). Higher priority is given to the EM-critical nets and higher
mean time to failure (MTTF) is achieved. The total number of nets with EM violations can also be
reduced. Hsu et al. [23] use signal TSVs to improve heat dissipation in 3D ICs. The authors compare
their results to [15] and claim 23% less TSVs used for thermal reduction. TSVs are initially placed
and later relocated considering temperature reduction.

9.5.1.3 3D IC POWER DISTRIBUTION NETWORK ROUTING

Yu et al. [83] discuss how to place power/ground (P/G) vias, considering power and thermal issues
simultaneously. The optimization is performed by calculating an RLC matrix for power distribu-
tion and a thermal resistance matrix for thermal optimization. The authors demonstrate up to
45.5% non-signal via count reduction by simultaneous optimization using dynamic programming.
Zhou et al. [88] discuss decoupling-capacitance insertion with MIM (metal-insulator-metal)
and CMOS capacitors. A sequence-of-linear-programs method is used, and the authors show that
denser power grids help reduce voltage droops. A congestion model is built for evaluating area
congestion in each design cell.

Healy and Lim [20] compare two different PG TSV placement strategies: TSV distributed
versus TSV clustered. The TSV-distributed placement topology spreads the TSV locations evenly
across the design, while TSV-clustered topology groups the TSVs within a small area. The authors
demonstrate a 50% lower IR drop and 42% lower noise on power distribution network (PDN)
with distributed TSV, compared with clustered TSV. Savidis et al. [66] present a test chip for
3D PDN noise measurement. TSV density and decoupling capacitance impact are experimen-
tally described with measurement power grid noise extracted by a source follower sense circuit.
A design without decoupling capacitance is measured to have much lower resonance frequency
than those with decoupling capacitance. Song et al. [69] present a technique that utilizes TSVs
as decoupling capacitors to reduce PDN noise. Using an extra stacked chip with TSVs as decou-
pling capacitors is shown to be more effective than on-chip or off-chip decoupling capacitors.
They showed that with the extra tier, the parallel resonance frequency point is eliminated more
effectively, compared with off-chip decoupling capacitors.

In [58], electro-migration for 3D IC PDN is modeled with a focus on multi-scale via structure,
thatis, TSVs and local vias used together for vertical power delivery. The work investigates the inter-
play of TSVs and conventional local vias in 3D ICs. The authors also study the impact of struc-
ture, material, and initial void size on EM-related lifetime of multi-scale via structures. In [86],
a transient modeling of EM in TSV and TSV-to-wire interfaces in the power delivery network
of 3D ICs is carried out. Atomic depletion and accumulation, effective resistance degradation,
and full-chip-scale PDN lifetime degradation due to EM are captured in their model. The results
show that voids and hillocks grow at various TSV-to-wire interfaces and degrade the effective
resistance of TSVs significantly.

9514 3D IC CLOCK ROUTING

Minz et al. [52] and Zhao et al. [85] are the first publications that show that multiple TSVs used
in a clock tree for 3D ICs reduce wirelength and thus power consumption, compared with the
single-TSV case. They present the 3D MMM (MMM = method of means and medians) algorithm
that builds a 3D abstract tree for a given TSV bound under wirelength versus TSV congestion
trade-off. This abstract tree is then embedded, buffered, and refined under the given nonuniform
thermal profiles so that the temperature-dependent skews are minimized and balanced. Zhao
et al. [84] provide a technique to construct pre-bond testable clock trees. If a 3D clock tree is built
using multiple clock TSVs, each die—except for the die that contains the clock source—contains
multiple subtrees that are not connected. These dies require multiple clock probe pads during
pre-bond testing. The authors present a routing method to build a temporary tree that connects
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together these subtrees and use a single clock probe pad for low-cost and low-power testing. This
work is extended by Kim and Kim [38] to consider co-optimization of TSV usage and power
consumption.

In [35], the authors present techniques to build a clock tree for a 3D IC that consists of one
GPU and a four-layer stacked DRAM connected on a 2.5D interposer. The clock generator is
on the GPU chip and is fed through the interposer to clock pins on the 3D DRAM module. The
authors provide an improved clock tree in the 3D DRAM module that reduces skew and jitter.
The authors of [49] propose a fault-tolerant 3D clock tree that significantly reduces the overhead
compared with redundant TSV for clock TSV. The authors propose a fault-tolerant TSV unit
that makes use of the existing 2D redundant trees designed for pre-bond testing and thus has a
minimum area overhead, while maintaining the same yield. Chae et al. [11] present a post-silicon
tuning methodology, called tier adaptive body biasing (TABB), to reduce skew and data path vari-
ability in 3D clock trees. The proposed TABB uses specialized on-die sensors to independently
detect the process corners of NMOS and PMOS devices and, accordingly, tune the body biases of
NMOS/PMOS devices to reduce the clock skew variability.

9.5.1.5 PHYSICAL DESIGN FOR MONOLITHIC 3D IC

Monolithic 3D IC is a vertical integration technology that builds two or more tiers of devices
sequentially rather than bonding two independently fabricated dies together using bumps and/or
TSVs [7]. Compared with other existing 3D integration technologies (wire-bonding, interposer,
through-silicon-via, etc.), monolithic 3D integration allows ultra fine-grained vertical integration
of devices and interconnects, thanks to the extremely small size of inter-tier vias, typically local-
via-sized (70 nm in diameter).

Bobba et al. [9] propose two different strategies of stacking standard cells in monolithic 3D
that utilize 2D tools: intra-cell stacking and cell-on-cell stacking. Intra-cell stacking requires
the modification of standard cell design but permits a direct reuse of 2D IC tools. In case of
cell-on-cell stacking, the authors propose a placement tool based on commercial tools and an
LP formulation for tier assignment. In [46], the authors present physical design techniques for
transistor-level monolithic 3D ICs. They first build a cell library that consists of 3D gates and
then model their timing and power characteristics. They perform iso-performance comparisons
and demonstrate a significant power benefit over 2D. They also demonstrate that this benefit
increases at future technology nodes.

Samal et al. [65] present a comprehensive study of thermal effects in monolithic 3D ICs. They
develop a fast and accurate block-level thermal model using a nonlinear regression technique.
They then incorporate this model into a simulated-annealing based floorplanner to reduce the
maximum temperature of the monolithic 3D IC with minimal wirelength overhead. In [58], the
authors present a power-performance study of block-level monolithic 3D ICs, under inter-tier
performance differences that are caused by the manufacturing process. They first present an
RTL-to-GDSII floorplanning framework that can handle soft blocks. Next, they model the inter-
tier performance differences and present a floorplanning framework that can generate circuits
immune to these differences. Panth et al. [60] present physical design techniques for gate-level
monolithic 3D ICs. These techniques place the gates into half the footprint area of a 2D IC, using
a commercial 2D engine. Next, the gates are partitioned into multiple tiers to give high-quality
3D solutions. The authors also present techniques to utilize the commercial tool for timing opti-
mization, clock tree synthesis, and inter-tier via insertion.

9.5.1.6 3D IC MECHANICAL RELIABILITY ANALYSIS AND DESIGN OPTIMIZATION

Yang et al. [81] propose a TSV stress-aware timing analyzer and show how to optimize layout for
a better performance. They show that TSV stress—induced timing variations can be as much as
10% for an individual cell and full-chip designs. Jung et al. [28] presented a full-chip TSV inter-
facial crack analysis flow and design optimization methodology to alleviate TSV interfacial crack
problems in 3D ICs. First, they analyze TSV interfacial cracks at the TSV/dielectric liner inter-
face caused by TSV-induced thermo-mechanical stress. Then, they explore the impact of TSV



240

References

placement in conjunction with various associated structures, such as landing pad and dielectric
liner on TSV interfacial cracks.

In [29], the authors show how TSV structures affect stress field and mechanical reliability in
3D ICs. They also present an accurate and fast full-chip stress and mechanical reliability analysis
flow, which can be applicable to placement optimization for 3D ICs. Results show that KOZ size,
TSV size, liner material/thickness, and TSV placement are the key design parameters to reduce
the mechanical reliability problems in TSV-based 3D ICs. This work is extended in [31], where the
authors show how package elements affect the stress field and the mechanical reliability on top
of the TSV-induced stress in 3D ICs. This chapter shows that the mechanical reliability of TSVs
in the bottom-most die in the stack is highly affected by packaging elements and that this effect
decreases as it moves onto the upper dies.

9.5.1.7 3D IC LOW-POWER PHYSICAL DESIGN METHODOLOGIES

In [27], the power benefit of 3D ICs is demonstrated with an OpenSPARC T2 core. Four design
techniques are explored to optimize power in 3D IC designs: 3D floorplanning, intra-block level
metal layer usage control, dual-Vth design, and functional module folding. With these methods,
total power savings of 21.2% were achieved.* Lee and Lim [45] demonstrated how the power con-
sumption of the buses in GPUs can be reduced with 3D IC technologies. To maximize the power
benefit of 3D ICs, the authors claim that finding a good partition and floorplan solution is critical.
To further enhance the 3D power benefit versus the conventional 3D floorplanning method for
GPU, block folding methodologies and bonding style impact were explored [32]. The authors also
developed an efficient method to find face-to-face via locations for two-tier 3D ICs and showed
more 3D power reduction in F2F bonding than in F2B.
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10.1 INTRODUCTION

Gate sizing is a central step for achieving timing closure and minimizing the power consumption
of integrated circuits. It refers to determining the widths of the transistors inside a logic gate,
where wider transistors imply a faster charging and discharging of the output capacitance. As a
drawback, larger transistors increase the input capacitances and thus the load, delays, and transition
times at the upstream gates. An increased transition time slows down sibling gates driven by
common predecessors.

The delay characteristics of a gate are also affected by its threshold voltage V,. By varying the
oxide thickness or materials in the gate, the threshold voltage can be lowered to speed it up. As a
drawback, the leakage current /,,,, grows exponentially with a falling threshold voltage:

-bV;
Ileak =ae !

for constants a,be R, (see Section 3.1.3). As every alternative threshold voltage on a design
requires a separate production step with additional masks, usually no more than four threshold
voltages are available.

Further techniques for optimizing gate delays have a smaller impact on the end result compared
to sizing and V,-assignment and are, therefore, seldom used. First, the ratio of the p-type and
n-type transistor sizes (B-ratio) is adjusted, trading off the rising and falling signal delay. Second,
the sizes of serially connected transistors inside a gate are modified to balance the delays from
different inputs to the output pin (tapering).

Most integrated circuits are designed using a circuit library B that contains a variety of
predesigned physical layouts implementing different logic functions and are of varying sizes and
threshold voltages. Instead of implementing each gate in the netlist individually, each gate is
mapped to one of the library circuits. Let G denote the set of all gates in the netlist. The implementation
of all gates is described by a vector x € BY where x, € B specifies the physical implementation
of g €G- Of course, the logical function of a gate restricts the set of implementations to which
it can be assigned. By X < BY we denote the set of assignments, where each gate is assigned to a
logically equivalent library circuit. In discrete gate sizing, B and thus X are finite sets. In continuous
gate sizing, logic gates can take any size between a lower- and upper-size bound, extending the
solution space compared to discrete sizing.

A key reason for using discrete gate libraries is that preprocessed timing models for each
library gate significantly speed up timing analysis compared to the numerical simulation
of continuously designed custom gates. Thus, they allow the processing of multimillion gate
instances by physical design tools. More recently, FINFET transistors introduced additional
discreteness in standard cell design. FInFETS are sized by adding multiple fins of unit size.

In microprocessor design, chips used to be partitioned into small custom circuits of a few
thousand gates, where the layout was essentially defined manually. Here, numerical timing
simulation is possible, and transistors can be sized continuously for optimum sizes, p-ratios, and
taperings. For algorithms designed for transistor sizing of custom circuits, we refer the reader
to the optimization methods in [7,42] that combine timing simulation with gradient descent
or interior point methods. The benefit of the flexibility of transistor sizing is hampered by the
restrictions imposed by partitioning the design into small blocks. Thus, transistor sizing on small
blocks has mostly been replaced by discrete gate sizing on larger units, even in microprocessor
design.

In this chapter, we first present theoretical results on discrete and continuous gate sizing
in Section 10.2. Then in Section 10.3, we focus on practical algorithms for discrete gate sizing.
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Readers that are mostly interested in practical algorithms can skip the theoretical part in
Section 10.2. We begin with the basic concepts of gate sizing.

10.1.1 STATIC TIMING

Physical design optimization is usually based on static timing constraints, represented by a
directed acyclic timing graph G (Chapter 6). G contains a vertex for each pin on the chip, and
edges are inserted between source and sinks of a net and the inputs and outputs of logic gates.
Starting at primary inputs and register outputs, the latest possible arrival time a, is propagated
to each pin v € V(G) along the topological order of G. Figure 10.1 shows a small netlist of a chip
and its timing graph G.

Static timing analysis implies the following (simplified) mathematical constraints:

a, >0 VvePlURO,
(10.1) a, +delay, ,(x) <a, V(v,w)eE(G),
a, <T VvePOURI,

where
E(G) is the edge set of the graph
PI, PO are the sets of primary inputs and outputs
RI, RO are register inputs and outputs
T is the design cycle time

The solution vector x € X determines the gate sizes and threshold voltages. The edge delays
delay,,, (%) are functions of x, as we will describe in Section 10.1.2.

By introducing a super-vertex v* representing the time zero (4~ =0) and edges with constant
delay zero or -7, the three constraint types can be written in an uniform way:

(10.2) a, +delay,,(x)<a, V(v,w)eEG).

10.1.2 DELAY MODELS

Traditionally, the shape of a signal transition is approximated by (1) its arrival time, which is the
point where the voltage is half the supply voltage V,,, and (2) its slew, which is the time of the
transition between 10% and 90% V,,, as indicated in Figure 10.2. The 10/90 interval is chosen
arbitrarily. It should reflect the region where the voltage changes almost linearly, and sometimes,
the slew is defined by the 20/80 or 30/70 intervals.

The delay between an input and an output signal is the difference of their arrival times. For
higher accuracy, the signal transition can also be approximated by piecewise linear functions
with multiple pieces. The most accurate delay analysis is based on numerical circuit simulation
using the SPICE software [26]. Due to the high running times of simulation, industry standard
static timing sign-off tools, such as Synopsys PrimeTime or Cadence Tempus, use discrete gate

o

FIGURE 10.1 Example of a timing graph and its underlying netlist.
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FIGURE 10.2 A (rising) signal transition (a) and its approximation (b).

libraries with preprocessed delay characteristics to analyze multi-million gate designs, providing
SPICE simulation as an option for the accurate analysis of the most critical paths.

Traditionally, the gate delays were approximated by two nondecreasing functions: one for the
delay and the other for the output slew. Both of these were taking the load capacitance and input
slew as arguments and were computed by interpolated table lookup. Wire delays were computed
as Elmore delays [10] or using asymptotic waveform emulation to account for resistive shield-
ing [32]. Due to the growing importance of capacitive coupling between wires, the current source
model has become the most popular delay model [8], usually analyzing stages from the input pins
of a gate to the inputs of the downstream gates.

The delay rules are characterized only within some upper bounds for the load capacitance
and input slews. Meaningful delays are only given if the capacitance and slew limits are met.
Thus, capacitance and slew constraints have a higher priority than the delay constraints in
Equation 10.2.

10.1.2.1 THE RC DELAY MODEL

A delay model that is often used in the literature is the RC delay model [4,11]. Here, the Elmore
delay formula is also used for modeling gate delays. The delay through a gate is proportional
to the product of its resistance and load capacitance. While the resistance of a gate is inversely
proportional to the gate size, the input pin capacitance of a gate is proportional to the size. Let
us assume that x, reflects the size of a gate g €@, that is, x, € R. Now, the RC delay through g
coincides for all timing arcs to the output pin. It is defined as

delay (x)=r—g Coire + Cyk, + cirtrinsic |

where Cwi,e,rg,cgr,cént’i”Si” € R, are constants for the wire capacitance of the output net, the base
resistance, the base input pin capacitance, and the intrinsic capacitance, which depend on the
gate type. Wire delays are also modeled as RC delays using the Elmore formula [10]. Under the
RC delay model, efficient algorithms for gate sizing are possible, as we will discuss in Section 10.2.

A further simplification is the logical effort model [37], where the resistances and capacitances
are normalized to a reference inverter, yielding a technology-independent delay model, where
delays depend only on the topology of the pull-up and pull-down transistor networks in the gate.
In this model, a minimum delay solution for a single path can be computed by uniformly dis-
tributing the so-called stage delay. From the stage delay, an optimum size can be derived locally
at every gate. However, this approach does not easily extend to general netlists. Neither model
reflects the nonlinear nature of the delays. In the RC delay model, the gate delay is a linear
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FIGURE 10.3 A typical gate delay as a (concave) function of load capacitance (a) and input slew (b),
given a fixed input slew (left) and load capacitance (right).

function in the load capacitance, while in reality it is rather a concave function, as shown in
Figure 10.3. The nonlinearity is further amplified by the slew dependency of the delay. Therefore,
these two models are used at most to guess initial sizes before placement but not during
subsequent optimization.

10.1.2.2 MODEL-INDEPENDENT DELAY CHARACTERISTICS

Delay and slew are increasing functions of load capacitance and input slew as in Figure 10.3.
Changing the size of a gate influences the delays and slews at the gate itself as well as all its
neighboring gates and all gates in their downstream cone. Assuming a constant input slew, an
increasing size reduces the delay through the gate and the output slews and thereby decreases
delays and slews at the downstream gates. On the other hand, it increases the load capacitance of
the upstream gates, their delays and output slews, and thereby the delays of the other sink gates
in the input nets as well as their successors. So, in fact, the input slew increases with the gate size.
If the upstream gate is very load sensitive, a strongly increasing input slew may degrade the delay
through the upsized gate instead of reducing it.

10.1.3 IMPACT ON POWER AND AREA

For details on power analysis, see Chapter 3 or [44]. Here, we emphasize the factors relevant for
gate sizing. The power consumption P(g) of a logic gate g € G is composed of the dynamic power
P yyamic(g) that occurs when a gate changes its logic state and static power P,,,.(¢) that occurs
while the gate is in a steady state:

P(g) = denamic (g) + 1)smtic (g)

The dynamic power is, in turn, composed of the switching power and the short-circuit power:

demzmic (g) = I)SWitching (g) + 1)shart (g):

where the P, ;,, measures the power for charging and discharging its input pin capacitances.
Wire capacitances are usually considered constant during gate sizing as interconnects can
stay in place after minor adjustments to ensure pin access. For the purpose of gate sizing, we
assume that the dynamic power of a gate is more or less proportional to its size. Other factors
that influence the dynamic power are the supply voltage that is not sensitive to gate sizing
and the switching behavior, which is hard to predict and usually estimated by a switching
frequency per net.

Modeling becomes more complicated for the short-circuit power, which is observed under
simulation. It is dissipated at low-V, gates during an input signal transition. If the threshold volt-
age is below 50% of the supply voltage, there is a period where both p-type and n-type transistors
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in the gate are turned on, forming a short circuit. The short-circuit current increases with a larger
input slew, a lower threshold voltage, and a larger gate size. If a gate has steep input slews or a high
threshold voltage, the short-circuit current is usually negligible. As low-V, gates are used mostly
on critical parts, small delays and slews are targeted anyway. But a designer or a tool should be
aware that downsizing a gate to save power will increase the short-circuit power at downstream
gates with a low threshold voltage. Often, the short-circuit power is not considered directly but
mitigated by enforcing low slew limits for low-V, gates.

While dynamic and short-circuit power dissipation occurs while a gate is switching, the leak-
age current is also present at a steady state. There is a permanent small current leaking through
the transistor gates. This current is higher for lower threshold voltages and wider gates, with an
exponential dependency on the threshold voltage. In particular, for mobile devices, it is critical
to keep the static power small. Among many physical factors, the leakage power depends on the
current state of the input signals. These state patterns are not affected by gate sizing. We assume
that the leakage power of a gate is defined by its physical realization and not by the realization of
other gates.

For simplicity, gate sizing algorithms estimate power by separable functions, where the
contribution of one gate does not affect the contributions of other gates:

(10.3) P = P + P = Z(Psmm (&) + Piynamic(8)).

g<g

This is justifiable for the switching power and the leakage power. The short-circuit power can and
usually is added as a small slew-independent constant to the dynamic power after imposing low
upper bounds on the input slews of low-V, gates.

10.1.3.1 AREA

The form factor of a gate is also an important aspect of gate sizing. If the chip gets locally over-
filled, it can become difficult or even infeasible to legalize the gates. This can, of course, also
be adjusted by changing the floorplan, but at some point in the design cycle, gate sizing should
match local placement density targets to avoid disturbance by legalization. At the very end, it
should avoid gate overlaps. In the literature, placement density is a rarely considered constraint
for gate sizing. One approach is proposed in [6]. Here, a single global density violation is punished by
a weighted quadratic penalty in the objective function during gate sizing. Gate sizing is repeated
with an increasing penalty weight until the density constraint is met. Production tools, such as
those used in [41], partition the chip into small placement bins and meet the placement density
target inside each bin.

10.1.4 PROBLEM FORMULATIONS

Timing, power, and area can be considered as objectives or constraints in various combinations.
A typical objective in gate sizing is to minimize the power consumption such that the timing
constraints in Equation 10.2 are met:

min P (x)
(10.4) s.t. a, +delay,,(x)<a, V(v,w)e EG)
xeX

In practice, area constraints must be fulfilled as well. Early in the design cycle, when global gate
sizing is performed, timing constraints are usually unsatisfiable. Therefore, minimizing the cycle
time T or the absolute total negative slack (TNS) is usually the prevalent goal during most parts
of the design cycle, where the TNS is the sum of negative slacks at the endpoints of signal paths.
This can be done in linear combination with power and area or imposing area constraints. But
one could also ask for the minimum area under timing and power constraints.
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10.2 THEORETICAL BACKGROUND

The discrete and nonlinear nature of the problem makes gate sizing practically and mathemati-
cally difficult. Assuming well-behaved delay functions and continuous sizability, gate sizing
becomes tractable to some extent. In this section, we give an overview on the most important
theoretical results for discrete and continuous gate sizing.

10.2.1 DISCRETE SIZING

Even under mild assumptions on the delay model, discrete gate sizing is a hard problem, as
the connection to the discrete time-cost trade-off problem shows. Here, we are given an acyclic
directed graph G = (V, E), and for each edge e € E, there is a finite set 7, ={;,...,t5} c R of edge
delays and a nonincreasing cost function ¢, : 7, > R,. In the deadline problem, we wish to choose
a delay for each edge such that the length of each path stays within a given deadline D minimiz-
ing the total cost. This problem cannot be approximated within a factor of 1.36 unless P = NP,
because it is as hard as the vertex cover problem [9,14]. Assuming the unique games conjecture,
which is a stronger assumption than P # NP, there is even no constant-factor approximation
algorithm [39]. Theoretically, polynomial time algorithms or approximation algorithms with
better guarantees may exist for special delay functions. But in gate sizing, the delay functions
appear rather more involved due to their nonlinearity and nonseparability. The nonseparability
means that the delay of an edge in the timing graph depends on the sizes of multiple gates.

For netlists with a tree structure and certain delay models, pseudo-polynomial dynamic
programming (DP) algorithms have been used successfully. One of the first was presented in [3].
They can be turned into a fully polynomial time approximation scheme as a consequence of the
approximation scheme for buffering by [17]. For netlists with bounded width, that is, with a path-
like structure, an approximation scheme for delay minimization obeying an upper bound on the
power was developed in [22].

When nonlinear delay models with slew propagation come into play, the only known algo-
rithms for general discrete gate sizing that provide a size guarantee while meeting the timing
constraints are based on complete enumeration, potentially sped up by branch and bound [45].
Such techniques can be used to postoptimize small groups of gates [20].

10.2.2 CONTINUOUS SIZING

Mathematical tractability improves the plain gate sizing problem (without discrete V, changes)
if one assumes continuously sizable gates and posynomial delay functions, which are defined as
follows. For each gate g €3, the realization x, can be chosen continuously within a lower and an
upper bound /, < x, < u,, where [,,u, € R. Now the set X of feasible assignments consists of gate
sizing solutions x € X ={x' e RY : [, <x, <u, forall geG}.

A posynomial function f:R” — R is of the form

K
(10.5) f(%) =chxflkx§2k ol
k=1
where ¢, > 0 and by € R. Posynomial delay functions occur, for instance, if gates are modeled as
RC circuits with b; € {1, 0, 1} [4,11].

The posynomial formulation for the circuit/transistor sizing problem was introduced by
Fishburn and Dunlop [11]. A globally optimum solution to the transistor sizing problem based on
geometric programming was first given in [35]. The nice property of geometric programs is that
they can be turned into convex programs by the variable transformation y; = logx;. Therefore, a
local optimum is always a global optimum.

General-purpose geometric programming solvers mostly implement an interior point method
for convex programs with polynomial running time. The drawback of interior point methods is
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that their iterations require a significant memory and running time. Solvable instance sizes are
limited to approximately 100,000 gates according to [1,2], which also give a detailed tutorial on
geometric programming.

10.2.3 LAGRANGIAN RELAXATION

A prominent practical approach to gate sizing is based on Lagrangian relaxation (LR), which was
analyzed in detail in [4] and later in [43]. As this is also the motivation for many discrete gate
sizing heuristics, we will describe this approach in detail.

In the LR approach, the timing constraints are moved to the objective weighted by Lagrange
multipliers A € RE that penalize constraint violations. Applied to Equation 10.4, this leads to
the following Lagrange function (called Lagrangian):

(10.6) LOxa) =P @)+ Y k(@ +delay,,(x)-a,).

(v,w)eE(G)
For given A > 0, the Lagrangian dual function
(10.7) L'():=inf{L(,x.a): xe X,acR"]

is a lower bound for the objective value in Equation 10.4. To get the best possible lower bound,
we have to solve

(10.8) supL* ().

A0

If the gate sizing problem in Equation 10.4 has a strictly feasible solution, Equations 10.4 and 10.8
have the same value and the Lagrangian duality gap is zero.

If no strictly feasible solutions exists, Equation 10.8 may not have a finite solution. Note that
for a minimum cycle time 7T in Equation 10.1 the problem is not strictly feasible, because the
constraints on the critical path can only be satisfied with equality. However, Wang et al. [43]
specify regularity conditions for the objective function and the delay functions so that the duality
gap between the gate sizing problems (Equation 10.4) and the Lagrangian dual problem (Equation
10.8) is zero. But the supremum in Equation 10.8 is not attained by a finite value, and instead, the
multipliers of the tight constraints tend toward infinity.

The crucial observation in [4] is that the Lagrangian can be separated into two parts, one
depending only on the size vector x and the other only on the arrival time vector a:

(10.9) L(h,x,a) =L Nx)+L,(A,a)

with

(10.10) L,(00,x) = PP (%) + Z A, wdelay,,, (x)
(v,w)eE(G)

and

LZ(}‘-'!a) = Z }\'v,w(av - aw)

(v,w)eE(G)

(10.11) :% Z av[(v‘;@xw - Z AJ

veV(G) (u,v)eE(G)
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Now Equation 10.11 shows that the Lagrange multipliers must obey network flow conservation

constraints:
M= D

(v,w)eE(G) (u,v)eE(G)
Otherwise, as the arrival time variables a, (v € V(G)) are unrestricted,

min£L,(A,a)=— and thus as X iscompact ﬁ*(k):—oo.

Thus, to solve the Lagrangian dual problem in Equation 10.8, the Lagrange multipliers must be
restricted to the space NV of nonnegative network flows, as can also be derived from the Karush—
Kuhn-Tucker optimality conditions [4]. In this case, Ly(A,a) =0 for all @ and L(A,x,a) = L (A, x).

The Lagrangian dual problem (Equation 10.8) is usually solved by a subgradient method and
involves solving the Lagrangian subproblem (Equation 10.7) in every iteration.

10.2.3.1 SOLVING THE LAGRANGIAN SUBPROBLEM

The Lagrangian subproblem (Equation 10.7) is again a geometric program with the box con-
straints x € X. It can be solved by a simple descent algorithm. In [4], convergence was proven
for a simple greedy algorithm if gates are modeled as RC circuits. In fact, it converges with a
linear convergence rate [5,19,34]. These theoretical statements rely on a specific gate delay model.
Empirically, linear running times were also observed for general delay models. They give reasons
to apply LR in gate sizing [4,12,21,23,24,28,40].

10.2.3.2 SOLVING THE LAGRANGIAN DUAL PROBLEM

By the Lagrangian duality theory, £* is a concave function in the domain A of nonnegative net-
work flows. It is continuous but not everywhere differentiable in A. A prominent method for
solving the Lagrangian dual problem (Equation 10.8) is the projected subgradient method [4].

Starting with some initial vector of multipliers A, > 0, it determines in iteration k > 0, a
subgradient s, at £ (A;) in ascent direction and updates the multipliers by

(10.12) Nir1 = T (Mg + 04y ),

where
oy > 0 is the step length
Ty is the projection to the set N of nonnegative network flows

For the plain subgradient method without projection and Lipschitz continuous functions,
convergence rates have been established. However, L* is not Lipschitz continuous at the transi-
tions between A and RE® N\ V. Polyak [29] showed that the solution sequence (A;)iey in the
projected subgradient method contains a subsequence that converges to the optimum, that is,

the limit superior limi«»£*(A;) converges. To prove this, the series &, must fulfill o 20 and
Z o = oo. The projected subgradient steps are iterated until the duality gap (P”ml () — E*(?\,k))
k=0

and the maximum or total delay constraint violation are within some positive error bound. Note
that the optimum solution x* will likely be located on the boundary of the feasible set and most
iteration values x; will not satisfy all delay constraints.

Computing the exact projection my is a quadratic minimum-cost flow problem that can be
solved in polynomial time [25]. However, this would still be too time consuming in practice.
Therefore, essentially, all papers employing the subgradient method for gate sizing resort to a
heuristic [40] that maps the multipliers into A/, node by node in a backward topological order.

Convergence results similar to that in [29] are lacking for most of the employed heuristics. In [33],
convergence was shown when projecting with the method of alternating projections. This implies
that one can proceed as in [40] and replace their heuristic local mapping into A by a projection.



254

10.3 Practical Algorithms

10.3 PRACTICAL ALGORITHMS

The gate sizing problem is so complicated and involves so many details that theoretically elegant
approaches are inadequate. Many practical techniques have been developed and shown to be
effective.

10.3.1 SENSITIVITY-BASED HEURISTICS

If one iteratively sizes a single gate at a time, it is natural to choose a gate whose change achieves
the largest benefit at the lowest cost. The TILOS algorithm in [11] was the first to systematically
use this idea. Since then, it became the rationale behind many sensitivity-based gate sizing
heuristics. The idea is intuitive yet can be very effective if implemented well. One recent example
is [15], which will be described in this section. An earlier work [38] will also be introduced to
illustrate different flavors of this approach.

A sensitivity-based gate sizing heuristic usually consists of two phases—one for timing
improvement and the other for power reduction. It typically starts with the timing phase
followed by the power phase. Sometimes, the two phases can be interleaved and applied
iteratively.

The sensitivity in the timing phase points to changes with the largest timing improvement and
the least power overhead. In [15], it is defined by

ATNS

(1013) Sel’lSitiVity”'mmg = Apowerpowerfexponent

where
TNS is the total negative slack
A indicates change
Sizing based on this sensitivity aims to minimize the absolute TNS. Since TNS is expensive to
compute precisely, it is approximated by

(10.14) ATNS(m)) = Z —Adelay’} -/ NPaths;

gjEeN;

where mf means changing gate g; € G to implementation k. The set N, is the neighbors of g, and
consists of gates that share fanin nodes with g. The delay change Adelay’ of g € N, is due to the
size or V, (threshold voltage) change at g;. The notation NPaths; tells the total number of fanin and
fanout gates of gate g; that is affected by the delay change at g;. The power exponent is between
0 and 3. Extensions to this approach including an integration with a complex yet relatively slow
sign-off timer can be found in [20].

In [38], the timing phase sensitivity is defined as

Sensitivity ming = 1 Z —Adelay
(10.15) Apower & slack,,. —slack,,;,, + K

arcs

where
Apower is the power increase
Adelay is the delay change when upsizing a gate
Kis a constant

The arcs are (falling and rising) input arcs to a gate. In the timing recovery phase, one or several
gates with the maximum sensitivity are selected to be sized up or assigned to a lower V, level.
This is repeated until the timing constraints are satisfied or no more improvement can be found.
Upon each gate size or V, change, an incremental timing analysis is performed to obtain timing
updates.
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A power reduction phase starts when the overall timing slack is nonnegative. In [15], the
power-phase sensitivity is defined as

—Apower -slack

Sensitivity power = Adelay - #paths

(10.16)

where
slack is at the output pin of the gate
#paths is the total fanin and fanout of the gate

The power-phase sensitivity in [38] is defined by

slack 4y,
Adelay

Sensitivity poer = —Apowerz

arcs

(10.17)

In the power reduction phase, gates with large sensitivity are selected for downsizing or for
increasing the V, level. This is repeated until the timing slack reaches minimal acceptable values.

Specialized heuristics for power minimization maintaining timing feasibility are given in [31].
Here, not only one gate is powered down at a time, but an independent set of gates is chosen based
on its total sensitivity.

10.3.2 DEDICATED WORST-SLACK MAXIMIZATION

To improve the worst slack near the end of gate sizing, the focus of local search can be adjusted
by changing the objectives in Equations 10.13 and 10.15: Instead of taking the sum of sensitivities
among all neighbors or input arcs, the worst slack over all upstream driver gates is maximized.

Under this objective, a gate on the critical path is sized for minimum delay. Furthermore, the
size of a gate with a more critical upstream gate cannot increase because this would increase the
capacitance and worsen the slack at the upstream gate. Instead, its size rather decreases to reduce
the load capacitance and delay of the upstream gate.

For the second reason, it is important to consider not only the gates on the critical path but
also their less critical downstream gates in the local search [18,20] regardless of the local objec-
tive. In this setting, it can be beneficial to proceed in a forward topological order because an
increased gate size on the critical path improves the input slews in the fanout and might allow
a more aggressive downsizing. With such an extended gate selection and the local worst-slack
objective explained earlier, close to optimum global worst slacks are achievable [18].

10.3.3 CONTINUOUS OPTIMIZATION WITH SELF-SNAPPING

With guidance from the function gradient, continuous optimization is usually more capable of
handling large problems than discrete optimization. However, V, levels are highly discrete, and
its assignment is very difficult to be cast into a continuous optimization problem. The work by
Shah et al. [36] overcomes this difficulty by implementing each gate with two parallel parts of dif-
ferent V, levels (Figure 10.4) and by sizing the two parts continuously. Since gate sizes are available
at a finer granularity than V, levels, the discretization of a continuous sizing solutions is relatively
manageable [16]. Interestingly, it is observed in [36] that solving this new sizing problem through
convex programming usually results in integer V, assignment solutions. More specifically, usually
one part (either low V, or high V)) of a parallel gate has size 0. It is further mathematically proved
that V, assignment always self-snaps to integer solutions if there is no constraint on the gate sizes.

10.3.4 PRACTICAL GATE SIZING BY LAGRANGIAN RELAXATION

LR is a popular approach in solving gate sizing problems [4,12,21,23,24,28,40] mainly due to its
theoretical advantage on the trade-oft between conflicting objectives, such as performance and
power. The foundation framework of LR-based gate sizing is introduced in the pioneer work [4]
and summarized in Section 10.2.3.
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Implementing a NAND2 gate by a parallel connection of two logic gates with differ-

Later on, many practical techniques have been proposed to improve or extend this framework.
The Lagrangian dual problem is usually solved by subgradient methods [4]. In [40], it is observed
that the practical convergence of subgradient methods is very sensitive to the initial solution and
step size. The convergence is faster if the initial solution satisfies timing constraints. The work
by Tennakoon and Sechen [40] suggests invoking the iterative greedy algorithm [4] at the begin-
ning so that a timing-feasible initial solution is obtained. It also shows how to estimate Lagrange
multiplier values corresponding to the initial solution. With such an initial solution, the LR can
focus more on area minimization subject to timing constraints rather than delay reduction.
Tennakoon and Sechen [40] also propose the following Lagrange multiplier update method that
does not rely on a constant step size:

a; iy . .
Aji E ifi € PO, j € fanin(i)
(10.18) Mjinew =3 i ” _’ if j e fanin(i)
D, s . o
Aji— ifi e PI,j e fanin(i)
a;
where

A, is the multiplier for timing arc (j, i)

a; is the arrival time at node i

A, is the required arrival time at the primary output (PO)
D, is the delay of gate i

Please note that the primary input (PI) nodes of a combinational logic circuit are driven by
flip-flops and, therefore, they have fanin nodes.

Note that the multipliers are updated multiplicatively in Equation 10.18 and not in subgradient
direction. In practice, multiplicative updates often lead to faster convergence than the subgradi-
ent update shown in Equation 10.12, as demonstrated by the results discussed in [12] on ISPD
2012 and 2013 gate sizing benchmarks.
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LR is also combined with DP-like solution search [23] so that a discrete solution is obtained
directly without the error-prone rounding procedure. DP has been quite successful for problems
with tree topologies, such as buffer insertion. Since the topology of combinational logic circuits is
a directed acyclic graph, the solution propagation of DP faces the challenge of history consistency
constraint. When two candidate solutions are merged at a node, the choices on their common
ancestor nodes should be identical. This constraint entails either large memory space or long
computation time as a large volume of history information needs to be stored or traced. Moreover,
it complicates pruning, which is a key component of the DP. The work of Liu and Hu [23] suggests
an interesting idea to solve this challenge. It first runs DP with the history consistency constraint
relaxed. Although the solution may be illegal, it provides a timing bound for each node. Next, it
applies a greedy-like heuristic to obtain a history consistent solution. Since the heuristic utilizes
the timing bound obtained from the DP, it is not myopic as a stand-alone greedy algorithm. Then,
the algorithm continues solution search in a manner that is between DP and a greedy heuristic.
Overall, it strives to gain the greatest possible benefit from DP, while avoiding excessive enumera-
tion for resolving inconsistencies.

The algorithm in [28] is also based on LR and DP. Unlike most previous works that constrain
only the longest path slack to be nonnegative, the problem formulation of [28] attempts to
minimize the absolute TNS and includes it as a part of the objective function. For cases without
timing-feasible solutions, the result from [28] is more usable. The algorithm of this work is built
upon a graph model as illustrated in Figure 10.5. In this model, gate delay and power are captured
in node and edge weight. Then, the Lagrangian subproblem, which optimizes a weighted sum
of gate delay and power, is solved by DP. In order to avoid the troublesome history consistency
problem, the entire circuit is partitioned into a set of disjoint trees where DP is conducted on each
individual tree.

In [24], the Lagrangian subproblem is solved by a discrete greedy heuristic. The algorithm
proceeds in circuit traversals. When a gate is encountered during traversal, its implementation
options are enumerated and the one that minimizes the overall cost function is selected.
This heuristic is very simple yet effective.

10.3.5 HEURISTICS BASED ON TIMING BUDGETING

Another approach to handle the trade-off between circuit timing and power is through timing
budgeting [27]. First, a minimum delay sizing solution is obtained using a certain simple heuristic.
Next, the timing slack is allocated to each gate. Last, each gate is sized down or changed to higher

()

FIGURE 10.5 (a) Circuit and its (b) graph model assuming each gate has only two implementation
options.
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V, level according to its slack budget. The key component of this approach is a systematic alloca-
tion of timing slack to each node, which can be formulated as follows:

(10.19) Maxzwev 8-

(10.20) st. a+d;+x;<a; Vv,v,eV, v e fanin(v;)
(10.21) a;<T Vv;ePO

(10.22) 0<x;<U; Vv;eV

where

a; d;, and x; are the arrival time, delay, and slack budget for node v;
T is the required arrival time at the PO

U, is an upper bound for the budget at node v,

9, is the power reduction per delay increase

The budgeting problem can be solved by linear programming [27] or network flow algorithms [13].

Noticing the correlation between gate delay and signal slew rate, the work of [18] proposes
to size gates through slew budgeting instead of delay budgeting. The slew target for each gate is
initialized with the design rules. Then, in a reverse topological order traversal of the circuit, a size
is found for each gate to meet its slew target. When sizing a gate, its fanout gate sizes have already
been updated, and therefore, the load capacitance is known. Its input slew can be estimated
according to the slew target of its fanin gates. After one circuit traversal, slew targets are adjusted
according to timing criticality. Timing critical gates are assigned with tighter slew constraints,
and the slew-driven sizing is repeated. Since slew estimation is much faster than timing analysis,
this approach can easily deal with very large circuits using a relatively slow sign-off timer.

10.3.6 GATE SIZING IN ELECTRONIC DESIGN AUTOMATION TOOLS

Some commercial tools use global gate sizing algorithms based on LR (Section 10.3.4) or timing
budgeting (Section 10.3.5) early in the design flow to get good starting solutions. Such global
solutions are improved by local search, where sensitivity-based heuristics (Section 10.3.1) are
used predominantly.

Gate sizing is usually not performed as an isolated task but incrementally alternated or integrated
with interconnect optimization, timing-driven detailed placement, or logic restructuring.
Again sensitivity-based heuristics are mostly used in the interplay with other operations [30].

As LR does not guarantee fast convergence, there is always the danger of a timing degradation,
when applied late in the flow. Again sensitivity-based heuristics that do not introduce new path delay
violations are prevalent for timing final power reduction [31].

10.4 CONCLUSIONS AND OUTLOOK

Gate sizing is an important and challenging problem in very-large-scale integration design. The
continuous gate sizing problem without V, assignment can be solved in polynomial time for
posynomial delay functions.

In practice, discrete gate libraries are used, and no polynomial time algorithm with a perfor-
mance guarantee is known, except for trees or path-like netlists. On the other hand, there has
been substantial practical improvement, in particular, after the ISPD gate sizing contests 2012
and 2013 [12,15,20,21,23,24]. It can be expected that several of these new heuristics will find their
way into electronic design automation tools. Thereby, the major challenge is the interaction with
sign-off timing engines that, due to the support of many features, tend to be much slower than the
slim static timing implementations used in research papers. It is not clear how far the currently
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best solutions are away from the optimum. Even if LR is used, the Lagrangian subproblems are

not

solved to optimality. A fast computation of good lower bounds for the power consumption is

an important open problem.
On the theoretical side, discrete gate sizing algorithms with good performance guarantees are

lack

ing. As explained in Section 10.2.1, it aims high to achieve a constant-factor approximation

algorithm. However, providing a polynomial-time algorithm with a logarithmic performance
guarantee would be a significant result.
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11.1 Introduction

11.1 INTRODUCTION

Clock design is the challenging task of distributing one or more clock signals throughout an
entire chip while minimizing power, variation, skew, and jitter, and yet simultaneously being
resource conscious [33,40]. The design problem is akin to analog design where trade-ofts between
multiple competing objectives depend on the methodology and experience with prior designs.
Even clock signals are far from perfect square digital waveforms.

Because of these challenges, clock design is among the most misunderstood and inconsistent
portions of any design methodology. There is no single “right way.” While the primary goals are
generally similar, the techniques to achieve these goals can be drastically different from one
company to another and from one design methodology and toolset to another.

11.1.1 METRICS

A clock signal has a period that specifies the duration of a repeated high and low pattern.
The period is inversely related to the integrated circuit frequency. The duty cycle of the clock is the
ratio of high to low time in the period, usually 50%. The insertion delay, or just delay, is the time
that takes the clock signal to propagate through the clock tree to the sinks. The sinks are the final
receiving endpoints of the clock signal, which are either the clock pins of a sequential logic cells
or the input pins of local clock buffers in hierarchical designs. Clock signal delays are usually
measured at the point where the voltage is 50% of the supply voltage. Sometimes, this delay point
is replaced with the switching threshold of an inverter in edge-triggered systems.

Global skew: If the underlying logic paths are unknown, the global clock skew is measured
among all pairs of sinks, which implies the equivalent statement

(11.1) Skew = max(d;) — min (d;).

ieSinks jeSinks

This defines skew as the difference between the slowest and fastest clock sink delays, yet avoids
enumerating all logical pairs or performing expensive static timing analysis.

Local skew: The difference in the delays of a pair of clock sinks, d, and d, is the local clock skew
(t,) and is defined as the difference

(112) tk:dA—dB,

which can be positive or negative. The maximum local skew of a clock is defined as the maximum
local clock skew between any logically connected pair of sinks

(11.3) Skew = max #.

kePaths

Skew can be global, local, or maximum local depending on context. Skew, preferably local, is used
in static timing analysis to determine if the timing constraints of individual paths are satisfied.
However, an astute reader who has already read the static timing analysis chapter may note that
clock skew can also be leveraged to improve circuit performance through what is known as “use-
ful skew” [31]. Useful skew purposely alters the skew between sending and receiving sequential
cells on critical paths to satisfy setup or hold constraints. Useful skew ultimately relies on static
timing analysis to determine if timing constraints are met. This method is useful to help timing
sign-off but is often impractical if all timing paths are not yet finalized. In addition, the accurate
control of clock delays is often difficult, which complicates practical application.

While skew measurements are the most common clock metrics, there are several other very
important metrics including jitter, slew, power, robustness, and resource usage. The relative
importance of each is debatable, as confirmed by the variety of clock design methodologies with
different priorities.

Jitter: Similar to skew, the delay to a single sink may vary from period to period introducing
clock jitter. Jitter in an on-chip clock distribution is usually caused by the clock source (oscillator
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or phase-locked loop), power supply noise, or interconnect cross-coupling. Jitter is equally
important as clock skew since it affects timing paths in a similar way. In some designs, jitter can
be of the same magnitude as skew or more.

Slew: The transition time between the high and low (or low and high) logic level is characterized
by the clock slew rate. This slew is then defined as the time to transition from 10% to 90% or 90%
to 10% of the supply voltage. Slew is important because it directly affects the setup time, hold
time, and clock-to-output delay of sequential elements. While fast slew rates are desirable for
performance, excessively fast slew rates can lead to cross-coupling noise in logic signals adjacent
to the clock, and the increased power supply IR drop can then worsen the clock skew.

Power: There is a significant trade-off between performance and power in digital design, espe-
cially clock network design. Very low skew clock distributions can consume excessive portions
of total chip power and have been cited as up to 70% of total chip power [5]. More commonly,
the clock power budget is on the order of 20%—40% of total chip power, and so, power is often as
important as performance. The primary reason for the large power is that the clock signal must
be distributed throughout an entire chip and must drive a large number of sequential elements.
Power can be minimized by reducing total capacitance, switching rate, frequency, and even
voltage swing of the clock signal. Section 11.4 specifically focuses on power optimization.

Robustness: Robustness is also a major concern in clock design since it directly affects
performance and can even render chips nonfunctional due to yield-related timing errors. There
are numerous sources of variation [72] that can affect the robustness of a clock network including
manufacturing process (P), supply voltage (V), on-chip temperature (7), and cross talk between
the clock and signal wires (X). These are often referred to as PVTX variations or commonly just
PVT variation. Furthermore, process variation can be caused by either front-end (device) param-
eters or back-end (interconnect) parameters. Variation that is observed from die-to-die (D2D)
is called inter-die variation, while variation that occurs within a die (WID) is called intra-die
variation, or occasionally on-chip variation (OCV). WID variation is uncorrelated or partially
correlated, while D2D variation has full correlation across a single chip. Typically, clocks are
made robust through redundancy; feedback with adaptive circuitry, or simply, improved sensitiv-
ity analysis to evaluate variation implications. Minimizing clock network insertion delay is often
considered a proxy for variability, but it is only appropriate for correlated D2D variation, and the
reality of variation is more complicated when WID is considered.

Resource usage: Resource usage is also an important metric that clock distributions must
consider. While power minimization dictates the use of fewer buffer and interconnect resources
in general, the physical allocation of routing, buffer and power supply decoupling resources must
compete with logic modules throughout a chip. Specifically, global interconnect layers are
limited and must be used in clocks, power supplies, and global busses. Similarly, active device
area is used for clock buffers and dedicated clock power supply decoupling capacitances, but this
must compete with the actual chip logic and its own power supply decoupling.

11.1.2 METHODOLOGIES

The differing importance of the previous metrics means that there are drastically different clock
design methodologies. The most significant difference is whether a methodology is top-down or
bottom-up [40]. Typically, aggressive designs will have a global clock distribution that is prede-
signed while lower modules are being completed [55,95]. Less aggressive designs, on the other
hand, are created flat or bottom-up (if hierarchical). Because of this methodology difference,
aggressive designs typically have problem instances with fewer clock endpoints and have
physical constraints imposed by the hierarchical floorplan [92]. Less aggressive designs have
problem instances with many clock endpoints but have more physical flexibility by interacting
with floorplanning, placement, and routing.

In aggressive designs, circuit design is generally incomplete during system planning, with local
clock distributions in individual modules/blocks merely estimated and being changed signifi-
cantly during design completion and timing closure. To accommodate this, a system designer
specifies the floorplan and coordinates the block/module designers. Using the floorplan, the
global clock is predesigned in a top-down methodology, since it competes for shared routing
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resources and requires reservation of silicon area between modules for global clock buffers and
decoupling capacitance. These resources are in contention with power distribution, local mod-
ules and system-wide connection between these same modules. These aggressive design meth-
odologies utilize hierarchical design, which means clock design instances can be either global or
local. At the global level, timing paths are typically not known until late in the design cycle, so the
goal is zero skew. The local levels, however, typically use similar methodologies to less aggressive
designs.

Less aggressive designs are often synthesized flat or, at the least, modules are much larger than
aggressive designs. In these cases, a modification to a module results in a re-spin of the entire
synthesis, placement and routing steps, which can perform drastic changes in the clock design to
assist timing closure. Contrary to aggressive global clock distribution, these clocks do not target
zero skew since timing paths within and between local modules are known. Local distributions in
aggressive designs also consider per path skew much like these less aggressive designs.

The aggressive design approach consumes more power, due to redundancy in the global levels
and a zero skew goal, but these allow independent optimization of local modules due to skew
insensitivity, which helps high-performance timing closure. In addition, the redundancy in the
global distribution better tolerates manufacturing variability that is necessary to achieve high
performance. Such a hierarchical approach is often necessary due to the extreme size of the
designs and insufficient CAD tool capacity or a very-high-frequency clock target. The less aggres-
sive approaches, on the other hand, rely heavily on the scalability of automated algorithms and
require a less manual design effort. This has the potential to perform cross-hierarchical optimiza-
tion at the expense of increased tool and methodology complexity.

11.2 GLOBAL CLOCK DISTRIBUTION

Since global clock distributions span large areas of the chip, they are particularly sensitive to
variations in metal interconnects, clock load capacitance, temperature, and the power supply.
They are, however, not very sensitive to device variation since global clock buffers are typically
large, which reduces common device-specific sources such as threshold variation.

11.2.1 SYMMETRIC TREES

Symmetric trees such as H-trees [6] as shown in Figure 11.1 are viable candidates for global
distribution since they limit sensitivity to D2D variation but are still sensitive to WID variation.
The main challenge with symmetric clock trees is that clock sinks are not symmetrically distrib-
uted, and so, electrically symmetric [87,89] and delay sensitivity symmetric [38] trees have been
proposed. In global clocks, symmetric trees are often used to distribute the root clock signal to a
multitude of drivers in a more robust global distribution network that can tolerate WID variation
in addition to D2D variation.

1)
1

FIGURE 11.1 H-Tree clocks are robust to correlated D2D variation due to their physical symmetry.
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11.2.2 CLOCK MESHES AND SPINES

The primary way of addressing variation is to compensate with redundant devices and wires.
The amount and structure of the redundancy can have a broad range, depending on how much
variation and power can be tolerated. Clock grids and spine networks are the preferred choice for
high-end microprocessors or aggressive designs that push performance limits. On the other hand,
redundant trees have had some attention in academia and are increasingly used in industry.

Clock spines, as shown in Figure 11.2, are a wide metal trunk with low resistance and therefore
low skew between elements on the same spine. This enables more than one spine driver on the
spine to compensate for incoming delay variation. Skew between spines due to uneven loading
or incoming delay variation, however, can still be problematic. No published design automation
algorithms have focused on clock spine distributions, but these are often used in some industry
methodologies.

Clock meshes or grids, as shown in Figure 11.3, compensate for spine-to-spine variation with
a 2D redundant structure. This additional redundancy ensures more paths between the mesh
drivers and the clock sinks, which results in decreased variation. The additional redundancy,
however, increases both the total capacitance and the size of the clock drivers. Clock mesh algo-
rithms primarily use a minimum total wire length formulation based on meshworks [79] and
produce very sparse regular meshes with minimum wire length. These can still be sensitive to

IT

FIGURE 11.2 Clock spines enable low variation by attaching sequential cells to a low resistance
interconnect trunk.

FIGURE 11.3 Clock meshes offer the most robustness to variation at the expense of high dynamic
power and short-circuit power between clock grid drivers.
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variation, so other approaches have taken the opposite approach by starting with a dense mesh
and performing mesh wire removal to reduce power without sacrificing robustness [105]. More
recently, several works have revisited some of the basic assumptions about clock grids, namely,
the uniformity of grid wires and the placement of buffers at grid wire crossings (grid nodes).
Specifically, Abdelhadi et al. [1] improved mesh reduction by considering local skew constraints,
while Guthaus et al. [39,41] proposed a technique to customize grids for nonuniform sink
distributions using a grid wire clustering algorithm. Another recent approach used binary
programming to perform mesh reduction to trade-off skew and power [21]. On the other hand,
Xiao et al. [111] explored methods of mixing grids and trees for power and skew trade-off, while
considering blockages.

Besides mesh routing, mesh buffering is extremely important since a significant portion of
mesh power consumption is due to short-circuit power between buffers. This is primarily due to
skew among the inputs of the driving buffers, since the clock distribution that drives the mesh
buffers is not redundant and is susceptible to variation. A sensitivity-based buffer removal was
proposed by Guthaus et al. [39,41], which removed redundant or ineffective buffers using iterative
sizing and removal. This leads to a dramatic reduction in power consumption due to decreased
short-circuit power and reduced total buffer size. In another approach, Flach et al. [32] examined
a mesh buffer displacement algorithm based on sensitivities to find skew optimal positions for
grid buffers.

While mesh buffering and routing are important, these assume that an entire set of sinks are
connected directly to the mesh. In reality, most meshes drive local clock buffers that distribute
to the sequential elements using a local tree. While this is common in industry methodologies,
Lu et al. [68] presented the first algorithm to do such an optimization, using register activity
information.

The major complication with integrating automated mesh (or spine) synthesis approaches into
high-performance designs is the contention for metal resources with power supply distribution.
System designers frequently reserve particular global interconnect tracks specifically for power
supply and clock distribution, and so, such algorithms may not have complete freedom in wire
placement. Two works have specifically considered obstacle avoiding meshes [89,111] but have not
considered this in coordination with system-level planning.

11.2.3 REDUNDANT TREES

To save power over meshes and spine methods while retaining robustness, redundant trees
selectively insert redundancy to decrease variation between critical subtrees. This is the opposite
of the clock mesh reduction schemes, by starting with a non-redundant solution and selectively
adding redundancy. This redundancy was initially proposed as single cross-links, as shown in
Figure 11.4, which attempt to connect nearby subtrees that suffer from skew variation to improve
robustness [78,104].

Cross-link techniques present challenges of their own, however. Cyclic RC graph analysis
with multiple drivers is complicated compared to the analysis of clock trees. Cross-links can lead
to short-circuit power consumption, due to multiple drivers on a single net. In Figure 11.4, for
example, if the left buffer switches before the right buffer, the two buffers will be driving different
voltages onto the same net. This was already discussed as being prevalent in clock meshes, yet
it becomes extremely problematic in very sparse redundant trees when cross-links are between
skewed nets. It is desirable to insert cross-links between nets with high variation, and yet, this is
exactly what causes additional short-circuit power. The most recent works have found that there
is some benefit to inserting cross-links high up in clock trees, but, in general, the extreme sparsity
of the cross-links and the physical distances between subtrees with variation limit the benefit at
lower levels [71]. Another direction was proposed by Markov and Lee, which uses auxiliary trees
instead of simple cross-links [59]. “Tree fusion,” as the authors call it, finds critical sink pairs and
their least common ancestor. An auxiliary tree is then synthesized and fused to the initial tree to
provide redundant paths and reduce variation. This can still have difficulties with short-circuit
power of multiple drivers but increases the feasibility of redundancy between distant nodes and
increases robustness.
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Skew

FIGURE 11.4 Clock trees with cross-links can add sparse redundancy to improve robustness.

11.2.4 POST-SILICON AND RUNTIME TUNING

Post-silicon clock tuning techniques can remove unwanted skew due to manufacturing and even
runtime thermal and power supply variation. The clock tree itself can be repaired using digital- or
analog-controlled adjustable delay buffers (ADBs). Post-silicon techniques are expensive in terms
of routing, delay adjustment, and most importantly, skew detection. Therefore, it is usually only
considered at the global level.

Geannopoulos and Dai proposed a hardware-based solution that deskews by measuring the
phase difference between spines in a spine-based clock network [34]. Kapoor et al. took a similar
approach for standard trees by adding return paths from all clock sinks [52]. The return paths are
selectively enabled, depending on which paths are the most skewed. This method is very flexible
but also requires significant overhead due to the additional routing, phase detection, and tri-state
inverters for the return paths. Tsai et al. selectively insert ADBs with clock skew scheduling,
considering variation [98] and even statistical timing analysis [101]. Specifically, they inserted
ADBs on critical clock sinks, which allow the clock tree to be repaired during at-speed testing.

In addition to post-silicon tuning for manufacturing variation, several schemes have been
proposed to use thermal sensor data to compensate for runtime on-chip thermal variation.
Thermal variation has been directly considered by moving buffers and wires to compensate
during design time [12,20,70], but thermal variation is difficult to model since it relies quite
heavily on the workload. Optimizing for more than a single workload is difficult, in addition to
the difficulty of determining a common thermal profile. Other approaches therefore use ADBs
along with on-chip temperature data to detect potential skew problems and set ADBs to deskew
the clock correspondingly [9,63].

While post-silicon techniques have the advantage that they do not rely on process models, they
consume significant overhead in terms of the programmable delay elements and extra routing.
At-speed testing is already a difficult problem without clock tuning. Similarly, thermal timing
sign-off is difficult without having to verify that an adaptive thermal clock operates correctly.

11.3 LOCAL CLOCK DISTRIBUTION

Clock trees are preferred at the local level because they can distribute a clock to nonuniformly
spread sinks while using few buffering and routing resources, and therefore, being more power
efficient compared to the global clock distribution. The lower power, however, means that local
clocks tend to be more susceptible to PVTX variation than their global counterparts. This section
presents the details of several approaches to automated local clock tree synthesis.



268

11.3 Local Clock Distribution

The primary objective of clock tree synthesis is to create the buffered routed tree such that the
skew and power are minimized. Formally, let S ={s,,s,,...,5,} = R” be the set of clock sink locations
in a Manhattan plane. Each clock sink has associated with it a load capacitance, ¢, and optionally
a desired delay offset, d, relative to the ideal clock for useful skew. The abstract topology of the set
S, T,(S), is a rooted binary tree with the leaves corresponding to each sink in the set S. The routing
of a clock tree is a mapping of the internal nodes of the abstract topology tree into the Manhattan
plane to form a mapped topology, 7,,(S). Subsequently, all non-vertical and non-horizontal edges
are decomposed, or embedded into rectilinear shapes, by adding internal nodes and mapping these
nodes to locations in the Manhattan plane. The mapped embedded tree is referred to as the routed
clock tree, T,(S). Buffers can be inserted before, during, or after routing to bound slew rates at the
sinks while minimizing skew. Buffers can be inserted at internal nodes of a tree, or new nodes can
be created by splitting an edge at a location in the Manhattan plane. The final sizes of the buffers
and wires can be adjusted in a final tuning step, once the tree is mapped, routed, and buffered.

The first subsection discusses routing and topology generation algorithms. Each of these oper-
ations is done to minimize skew, or achieve zero skew, with the minimum amount of wire length.
The next section provides an overview of buffer insertion algorithms for clock trees. The input to
this phase is a routed clock tree, and the objective is to insert buffers at nodes or along wires such
that slew rates are constrained and skew and power are minimized. The third subsection presents
algorithms for tuning buffer and wire sizes. Finally, the last section presents some of the many com-
bined methodologies of topology generation, routing, buffering, and tuning.

11.3.1 ROUTING AND TOPOLOGY GENERATION

The method of means and medians (MMM) [50] is the first top-down algorithm that heuristically
minimizes clock skew, which attempts to balance the clock sinks into two partitions at each level
of clock tree hierarchy, as shown in Figure 11.5. In Figure 11.5a, the top-level region is partitioned

(a) (b)

(c) (d)

FIGURE 11.5 The Method of Means and Medians (MMM) performs top-down partitioning to bal-
ance subtrees and routes to the mean locations. (a) First level partition, (b) second level partition, ()
third level partition, and (d) final tree.
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into two subregions of equal size, based on the median sink location in the y-dimension. Then the
mean location of the original region is routed to the mean location of each subregion. The mean
location is the center of mass of all the clock sinks. The procedure is repeated while altering
between the horizontal and vertical dimensions in Figure 11.5b and ¢, until the final tree is con-
structed, as in Figure 11.5d. Clock skew is only minimized heuristically and the resulting tree
may not have zero skew, but the trees use very low wire length and power. MMM has a worst-case
complexity of O(n log n) for n clock sinks.

Soon after MMM, another approach to clock routing was proposed using a recursive, bottom-
up geometric matching algorithm (GMA) [51], which is shown in Figure 11.6. At each level of the
hierarchy in a bottom-up order, the algorithm constructs a set of n/2 segments connecting the
n endpoints pairwise such that no two segments share an endpoint. The matching is selected to
minimize the total wire length at the given level, using any bipartite matching algorithm. After
the matching is determined, a tapping point on each segment is used to determine where the next
higher level should connect. The tapping point is not necessarily the midpoint of the segment but
is the point to minimize the skew between the current pairs. Assuming that wire jogs are added
when needed, the GMA algorithm can attain zero skew. However, unlike MMM, the wire length
and power of the resulting trees can be poor. GMA has a worst-case complexity of O(n?log )
for n clock sinks.

The MMM and GMA approaches are convenient to implement and are efficient for large clock
trees and are still used in many commercial tools. However, neither is nonoptimal due to funda-
mental assumptions. The MMM does not know about the subtrees that have not been created yet,
which can result in unwanted skew. The GMA does not know how trees will be merged further
up in the hierarchy, which can result in wasted wire length and power. In the early to mid-1990s,

[ ] ® o—u—o

(a) (b)
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(©) (d)

FIGURE 11.6 The Geometric Matching Algorithm (GMA) performs bottom-up matching to mini-
mize wire length at any given level. (a) Initial locations, (b) first level matching, (c) second level
matching, and (d) final tree with H-flip optimization.
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three groups independently presented algorithms that address this suboptimality by performing
a two-pass optimization [7,15,102] to obtain a zero-skew tree with minimal wire length. The same
basic algorithm, Deferred Merge Embedding (DME), was later generalized to bounded skew trees
[25,48]. The first pass performs a bottom-up merging of the sinks to find all potential zero-skew
merging locations. The choice of the exact location of the merge, however, is deferred, until the
parent root location is decided so that the location can be selected to minimize the overall wire
length of the tree and save power while still obtaining zero skew. Most clock tree synthesis algo-
rithms today are derived from a DME approach.

The bottom-up phase of DME finds a merging segment for each internal node of the abstract
topology (Figure 11.7). A merging segment (MS) is the locus of points that define the area of the
zero-skew merge. With rectilinear routing and equal resistance and capacitance on the layers,
each MS is an intersection of two Manhattan circles (diamonds), as illustrated in Figure 11.8,
and is always a line with slope of +1 or -1 or a point. The sizes of the Manhattan circles,
d, and d,, are selected to exactly balance the delay of the subtrees under the Elmore delay model
[29]. In Figure 11.8, the closest distance (D) between two MS is used to connect MS1 and MS2
using minimum wire length. The problem of finding the size of the Manhattan circles can be
simplified to dividing the total distance, D = d; + d,, between d, and d, for the two subtrees
rooted at MS1 and MS2, respectively. This can be illustrated electrically by Figure 11.9. Each
subtree, MS1 and MS2, has a load capacitance, L, and L,, and an insertion delay, D, and D,.
Now, suppose we want to solve for d; and call it, x. d, can be defined as the remainder of the
distance, d, = D — x. Given a unit wire resistance, 7, and capacitance, ¢, the resistance and
capacitance of each wire segment are

A B C D

FIGURE 11.7 The abstract syntax tree determines the topology of the clock tree.

FIGURE 11.8 The intersection of two diamonds with radii d, and d, forms a Manhattan arc with
slope +1.
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FIGURE 11.9 The merging distance is computed to equalize the Elmore delay of the current level
plus any delay in a subtree.

R =rd, =rx Ci=cd, =cx

(114) R, = rd2 = r(D—x) C,= Cdz = C(D_x)r

respectively. To find the allocation of the minimum distance, we can now equate the Elmore delay
of the two trees to be merged with the new wire segment to connect them to get

(115) D1+R1(C2'1+L1JZD2+R2(CZVZ+IQJ
By substituting Equation 11.5 and solving the single quadratic equation for x, we get

Dz—Dl +rD(L2 +C2Dj

r(Ly+ L, +cD)

(11.6) x=

If x < 0 or x > D, this means that the two delays cannot be equalized given the minimum separa-
tion distance. In this case, the MS with the larger insertion delay is selected as the merging loca-
tion and extra wire is inserted to equalize the delay.

Figure 11.10 shows an example with four sinks (A-D) during the bottom-up (Figure 11.10a)
and top-down (Figure 11.10b) phases of zero-skew DME using the abstract topology of
Figure 11.7. First, sinks A and B are merged into MS1 and sinks C and D are merged into MS2.
Then MS1 and MS2 are merged into MS3. After the bottom-up phase is completed, the root
of the topology tree consists of a single MS, MS3. The root of the clock tree can be placed

C
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FIGURE 11.10 DME calculates all feasible merging points bottom-up while deferring the exact
wire locations until the top-down embedding phase. (@) DME bottom-up merging determines the
locus of all points for each node in the abstract topology tree that provides a feasible zero-skew
routing. (b) DME top-down embedding greedily connects each MS to the next lower segments using
minimum wire length.
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anywhere on MS3, or the point on MS3 closest to the desired root location. Then, in the top-down
phase, the location on the child MS that is closest to the parent location is selected. The actual
wire route is embedded, and the procedure is repeated until the sinks are reached. The result-
ing tree has provably minimal wire length, given the fixed topology, and zero skew in nominal
process conditions. The bottom-up and top-down DME algorithms are shown in Algorithms
11.1 and 11.2, respectively.

Algorithm 11.1 Bottom-Up DME Merge Algorithm
Require: Topology 7,(S); set of sink locations (loc) S
Ensure: Merge segments ms(v) for each node v in topology 7,(S)

1: for each node v in T,(S) (bottom-up order) do
2 if v is a sink node then

3 ms (v) «{loc (v)}

4: else

5: Let 1 and r be the children of v

6 D «Distance (ms(1),ms(r))

7
8

(d,,d,) = CalculateMergeLengths (1,r,D)
mr (1) <CreateMergeRegion (ms(1),d;)
9: mr (r) <CreateMergeRegion (ms(r),d,)
10: ms(v) < mr(l) N mr(r)

11: end if
12: end for

Algorithm 11.2 Top-Down DME Embedding Algorithm
Require: Merge segments ms(v) for each node v in topology 7,(S)
Ensure: Zero-skew routed clock tree 7,(S)

1: for each node v in T,(S) (top-down order) do
2: if v is the root then

3: Choose any g € ms(v)

4: loc (v) « g

5: else

6: Let p be parent of v

7: d, = Distance (p,ms(v))

8: mr(p) <CreateMergeRegion (p,d,)

9: Choose any g € mr(p) N ms(v)

10: loc (v) <« g

11: end if
12: end for

DME provides an optimal wire length solution with exactly zero skew, given a fixed abstract
topology. It is able to do this with a worst-case complexity of O(n) for n clock sinks, but this
is because the input topology is fixed. DME algorithms can be combined with greedy cluster-
ing with local improvements [28], partitioning [50], or matching [51] algorithms to generate the
topology on the fly during the bottom-up portion of DME. Recently, some improvements were
made in iterative geometric matching using a dual-MST algorithm [66].

11.3.2 BUFFERING

Nearly, all non-clock, and some clock, buffering techniques are based on the seminal dynamic
programming buffer insertion algorithm of van Ginneken, which produces optimal minimum
delay buffered nets under the Elmore delay model [103]. The algorithm does this by traversing a
fixed net routing in a bottom-up manner. The sinks of the buffered tree consist of a single solu-
tion. At each node during the traversal, the algorithm can merge any combination of the optimal
minimum delay subtree bufferings and can add buffers to either one, both, or none of these
subtree solutions. The key to the algorithm is that only a linear number of solutions are kept,
and these solutions form the boundary of the delay—capacitance curve.
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Unlike van Ginneken’s algorithm that focuses on delay optimization, the primary goal of clock
tree buffer insertion is to preserve signal quality at the clock tree sinks. In the past, simple clock
trees used a monolithic multi-stage driver to drive the entire clock tree. This approach however is
inadequate, as integration levels rise and process dimensions scale. Delay of long wires can grow
quickly if unbuffered, and more importantly, slew rates degrade rapidly. Clock buffering has many
challenges that are different from signal buffering. The most obvious is that skew, rather than delay,
is the primary criterion. But power consumption and sink slew rates are also important. Clock
networks are typically much larger than signal nets, and so, the runtime efficiency is extremely
important and multi-objective buffering methods [43,58,81] used in signal wires are not practical.

The fundamental dynamic programming paradigm used in signal buffering [103] is inadequate
for clock trees. By definition, a dynamic programming algorithm has three properties:

1. Overlapping subproblems: The problem must be broken down into subproblems that can
be reused several times.

2. Optimal substructure: An optimal solution must consist of optimal subsolutions.

3. Memoization: Given the same arguments, the function will always return the same
result.

For clock trees, the optimal substructure property does not hold, since an optimal solution does
not necessarily have optimal subsolutions. Given two subtrees with unequal skews, for example,
the subtree with the lesser skew wastes power and is not needed to have minimum skew. Despite
this, at least one researcher has proposed to use a similar paradigm by enumerating large numbers
of subtree candidates with differing delay and power criteria and picking the best solution [100].
The algorithm is not able to guarantee that a solution is feasible and requires significant runtime
even for small benchmarks.

In contrast, many heuristic buffer methods have been proposed and are more commonly used
in combination with a later tuning stage. Zeng et al. presented an algorithm that inserts a fixed
number of buffers on each clock tree path and then greedily moves and combines buffers to
improve the overall skew of the clock tree [114]. Xi and Dai presented a method to perform
iso-radius buffering [110]. In this approach, the radius is the wire distance of a buffer from the
root, and additional buffer levels are added until a skew constraint is satisfied. Both of these
methods create solutions with the same number of buffers on each root to sink path, but unequal
buffer loading can lead to skew problems.

Other algorithms have tried to use the number of buffers on a root to sink path as a heuristic for bal-
ancing clock tree skew, while optimizing other criteria such as slew rates and power. The buffer skew
is the maximum difference in the number of buffers on any clock tree branches but does not directly
translate to delay skew. Tellez and Sarrafzadeh proposed a greedy algorithm for zero buffer skew
trees with the optimal minimum buffer solution [94]. To control slew rates, a limit on the capaci-
tance of all buffers is used to guide the insertion process. The greedy algorithm, as with other
approaches, works in a bottom-up manner and uses two simple rules, one on edges and one at nodes:

1. Edge rule: If the capacitance at the source of the edge is greater than the limit, split the
edge and insert a node and buffer at the point on the edge nearest the root such that the
downstream capacitance does not violate the limit.

2. Node rule: Add the necessary buffers to each subtree to equalize the number of buffer
levels in each subtree. If the capacitance at the node after these buffers are inserted is
greater than the limit, drive each subtree with an additional buffer.

Tellez and Sarrafzadeh go on to prove that the greedy algorithm inserts the minimum number of
buffers such that the capacitance limit is not violated anywhere in the tree. They also propose a
heuristic that allows an unequal but limited amount of buffer skew. The greedy bottom-up algo-
rithm, however, was proven to be suboptimal with nonzero buffer skew bounds [3]. Albrecht et al.
provided a dynamic programming algorithm that determines the optimal buffering given the
nonzero buffer skew bound [3]. A similar algorithm to the previous two was proposed to reduce
slew violations in large fanout, non-clock nets [4].
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11.3.3 BUFFER AND WIRE SIZING

Since many of the computationally reasonable buffer insertion algorithms are heuristic, the
final trees generally do not have minimum skew and/or power. Many researchers have pro-
posed algorithms to minimize clock skew using buffer and/or wire sizing. These algorithms are
often referred to as clock tree tuning, since the topology, wire locations, and buffer locations are
usually fixed. Adjustments to the buffer sizes and wire widths enable fine skew tuning, yet many
of the algorithms use simplified Elmore delay models initially to find a better global solution.
Specifically, Chen et al. [17] proposed a dynamic programming algorithm, Kay and Pileggi [53]
proposed convex optimization to obtain a bounded solution, and Saaied et al. [83] and Pullela
et al. [77] proposed greedy local optimizations.

Most of the previous algorithms use simplified delay models for both interconnect and
buffers due to runtime overhead. However, input slew rates can affect buffer delay, and resis-
tive shielding is not present in an Elmore interconnect model. Other researchers have focused
on using Spice-accurate models for final buffer and wire tuning to further minimize skew and
power. Wang and Marek-Sadowska first proposed to use sequential linear programming (SLP)
to optimize buffer sizes in a clock tree for minimum power given general skew constraints [107].
Guthaus et al. proposed a sequential quadratic programming technique for clock skew that uses
the sum of local skews to perform a better global search [36]. This formulation includes vari-
ability through statistical static timing analysis (SSTA) that considers the impact of both buffer
and wire variability on clock skew variability with both WID and D2D variation. Most recently,
Rakai et al. formulated this as an iterative geometric programming problem [80] with improved
results.

11.3.4 COMBINED APPROACHES

A significant amount of work has tried to combine the previous clock tree synthesis steps into
a single monolithic optimization to obtain an “optimal” clock tree. DME has been combined
with buffer insertion and wire sizing [60], buffer insertion/sizing and wire sizing have been
combined [100], buffer sizing has been combined with useful skew budgeting [107], clock root
gating has been combined with buffer insertion [30], etc. Shih et al. proposed a three-stage
clock tree synthesis algorithm using topology generation, tapping-point determination, and
routing [88]. A Dynamic Nearest-Neighbor Algorithm (DNNA) generates the tree topology
by combining a dynamic number of pairs using a multi-objective cost. Interestingly, it does
not consider skew or insertion delay, which is only considered in the next state during tap-
ping-point determination that is based on the traditional DME algorithm, with a capacitance
bound for slew constraints. Finally, the Walk-Segment Breadth First Search (WSBES) routes
the wires between buffers and tapping points. Clock optimization, however, often has more
constraints than the primary skew objective. These can include insertion delay, slew rates,
noise sensitivity, blockage avoidance, peak power minimization, predefined macro subtrees,
etc. Each issue further complicates optimization. Some researchers have proposed frame-
works that consist of small steps that are more focused and can handle the nuances of all the
different constraints [97].

11.3.5 VARIATION-AWARE LOCAL CLOCKS

While global distributions primarily address variation through redundancy, a significant
amount of work has been done on the analysis of local clock tree skew sensitivity to both WID
and D2D variation [2,62,113]. However, most local clock optimization techniques have either
not considered variation or have focused on worst-case bounded clock skew [23,56,64,99],
which can be too conservative for meaningful results when all sources of variation are con-
sidered. Timing corner-based analysis can be potentially risky by missing the worst-case
corner entirely [106]. At least two works have indirectly improved robustness by centering
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useful skew in setup/hold timing windows during clock skew scheduling [54,73], but these
ignore interconnect variations. Guthaus et al. [37] were the first to consider wire embedding
to adjust skew variation sensitivity to both D2D and W1ID sources. Since then, the ISPD 2009
clock synthesis contest considered global skew with only D2D variation, using a clock latency
range (CLR) metric and two supply voltage corners [92]. Several researchers addressed CLR
with multiple supply voltages [18,57,61,87]. In 2010, a continuation of the contest used Monte
Carlo simulation of local skew, based not on logical path connectivity but sink proximity
[91]. The results were evaluated with both supply and wire variation, but this did not con-
sider physical models of variation as discussed in prior surveys on high-performance clock
synthesis [40].

11.4 LOW-POWER TECHNIQUES

The majority of the clock power is dynamic power, but short-circuit power is often not negli-
gible. Short-circuit currents are not very significant if signal slew rates are appropriately bounded,
except when redundant cross-links or grids are used to compensate for variation. Most power
reduction techniques focus on dynamic power of local clock distributions, since they are the
majority of the power consumption. Dynamic switching power is

(117) denamic I acvddzf’

where
o is the switching rate
C is the total capacitance
V.4 is the supply voltage
fis the frequency

11.4.1 ELECTRICAL AND PHYSICAL OPTIMIZATION

The clock tree topology, routing, buffering, and tuning algorithms all minimize the total wire
length and total buffer size in order to reduce the total capacitance. This capacitance reduction
directly reduces dynamic power consumption but leaves the other variables such as V,,, f, and «
in Equation 11.7 untouched.

Another potential lever to reduce power consumption of clocks is with dynamic voltage and
frequency scaling (DVES). Dynamic power is proportional to fV,,?, which provides a cubic power
reduction. Since a decreased supply voltage means slower circuits, both V,, and f can be reduced
simultaneously to adapt to a dynamic workload requirement [8,74]. This allows reduction of
both the clock network power and the logic circuit itself. Some work has addressed clock skew
with multiple supply voltages [18,57,61,87]. Specifically, the clock latency range (CLR) proposed
in the 2009 ISPD clock synthesis contest [92] measured clock skew over multiple supply voltage
corners.

Other approaches have proposed to use an ultra-low supply voltage of the clock swing
alone [115]. These low-voltage swing clocks are often differentiated to improve robustness to
supply variation and noise [86]. Another work examined the extreme case of clock skew in
subthreshold circuits that are very sensitive to threshold voltage variations, and not signifi-
cantly affected by interconnect resistances [96]. Most recently, a new current-mode-sensing
flip-flop promises to sense very small current fluctuations in interconnect rather than full
voltage swings [49].

Short-circuit power in clock grids can be very significant, since multiple buffers simultane-
ously drive the grid to reduce variability. Wilke et al. proposed a new grid buffer design that uses
a small high-impedance state to reduce short-circuit power [108]. An iterative sensitivity-based
grid buffer removal approach has been shown to remove ineffective buffers that consumed a
significant amount of this short-circuit power [39,41].
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11.4 Low-Power Techniques

11.4.2 CLOCK GATING

The most frequently used industry technique to reduce power is clock gating. This is available
in nearly every commercial tool. Clock gating reduces the switching activity a in Equation 11.7.
High-performance designs typically have multiple levels of clock gating, including architectural
root gating for entire modules, and local clock gating. Local clock gating uses the enable infor-
mation on sequential elements to logically cluster them so that portions of a clock tree can be
disabled with a clock gater when not in use. A clock gater is a logic gate with an enable signal
so that clocks may only be enabled when the underlying logic is active. Many techniques have
been proposed for local gating [16,30,75], but only root gating is feasible on clock grids or when
cross-links are present. Farrahi et al. provided both an exact algorithm based on dynamic pro-
gramming and an approximation algorithm based on recursive geometric matching [30]. Oh and
Pedram extended a similar concept to include the power consumption of the control logic needed
to perform the clock root gating [75]. All gating algorithms must consider the extra overhead
from the control logic and clock gater along with any wire length increase to adjust the topology
for improved activity reduction. Placing gaters higher in a tree allows a more efficient use of their
overhead but may decrease the portion of time that gating can be done. It is also important to
consider variability in clock gating, as clock gaters can introduce both nominal skew and skew
variation [10,11,14]. Lu et al. were the first to consider simultaneous buffering and clock gater
insertion in clock trees while consider clock slew constraints [65]. Lu et al. were also the first to
consider register placement and clustering in a clock mesh with local clock gaters [69]. While
this is commonly used in industry using custom scripts and methodologies, no publications have
previously discussed such a methodology in practice.

11.4.3 RESONANT CLOCKING

One additional method to reduce dynamic power is to use resonance in the clock network.
Resonance is the property that the imaginary parts of impedance or admittance cancel out at
a particular frequency known as the resonant frequency. This has been used extensively in the
analog/RF fields to build high-quality passive filter networks, but there are three distinctly
different approaches to utilize this for low-power “resonant” clocks. These include standing wave
(salphasic) [19,76], traveling wave (rotary) [109], and LC tank resonant [13,22,26,84,116] clock
distributions. Standing and traveling wave clocks assume that on-chip inductance forms trans-
mission lines, whereas the LC tank resonant clocks assume lumped inductors. LC tank resonant
clocks can further be distinguished as monolithic or distributed. Monolithic LC tank clock dis-
tributions use a single tank circuit, whereas distributed LC tank clock addresses the distributed
parasitic interconnect in large modern chips.

A standing wave is a non-traveling vibration formed by the interference of two harmonic waves
of the same frequency and amplitude. In standing wave clocks, the phase of all points is equal, but
the amplitude varies with position. The loss of the transmission lines attenuates the amplitude
of the waves and hence introduces a residual traveling wave that leads to some clock skew. This
was initially used for board-level clock distribution [19] but has also been demonstrated for on-
chip clock distribution [76]. Transconductors can be used to address the varying amplitude and
transmission line loss [76].

A rotary clock is a closed parallel loop formed by an inner and outer transmission line [109].
Back-to-back inverters are connected to this parallel loop to compensate for the energy loss.
Unlike standing wave clocks, the amplitude of all positions in a rotary clock loop is the same
while the phase varies with position. The differences between sink phases bring about extra work
in clock timing and synchronization, since clock sinks can be attached to different positions on
the loop. Automated methods for routing resonant clocks have addressed many of these issues
[93,67] including zero clock skew operation [42], and prototype designs have been demonstrated
[112]. At least one company has a commercial product to support rotary clocking [44].

The LC tank resonant clocks are similar to conventional clocks by providing a clock signal
with constant phase and magnitude; thus, it is easier to integrate in a traditional IC flow than
standing and traveling wave clocks. However, the LC tank resonant clocks require additional
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passive components that resonate at a particular frequency to reduce power consumption.
LC tank resonant clocks modify the clock impedance by inserting inductor—capacitor (LC)
“tank” circuits to cancel the aforementioned reactive portion of the clock impedance. In a paral-
lel LC circuit, this ideally leaves infinite electrical impedance at the resonant frequency, while in a
series LC tank this ideally leaves zero electrical impedance. Increasing the clock network imped-
ance allows clock driver transistor sizes to be dramatically reduced, which saves both power and
silicon area. In addition, the oscillatory behavior of an LC tank circuit recovers some of the energy
as it is transferred back and forth between the clock/decoupling capacitance and the inductor.
Early adoption of these techniques resulted in monolithic LC tank clocks [22,116,27], but this
does not consider parasitic resistance in clock distribution networks that decrease the overall
efficiency. Distributed LC tank resonant clocks have been shown to save 30%-80% of dynamic
power compared to buffered clocks [13,47,84,85]. Several methodologies have been proposed to
synthesize global H-tree resonant clocks [82], asymmetric global resonant clock trees [35], hier-
archical local resonant clocks [24], and resonant clock grids, using custom inductor sizing [46,47]
and inductor-library-based sizing [45]. At least one company has a product to support LC tank
resonant clocking [26] in commercial designs [84,85]. Recently, monolithic LC tanks have been
simulated using additional harmonics to improve the sinusoidal slew rates using higher-order
harmonics [90].

11.5 CONCLUSIONS

Clock distribution is and will likely remain one of the most controversial steps in integrated cir-
cuit design. Both integrated circuit and EDA companies have proprietary methodologies with dif-
ferent preferences of evaluation metrics and how to achieve these goals. This can result in vastly
different clock architectures. In addition, clock synthesis is difficult to research, since ignoring
any single metric can result in unfair comparisons. In this chapter, we explained the importance
of each metric and surveyed how many of these metrics have been addressed in both global and
local clock synthesis. In particular, the importance of clock robustness to a multitude of sources
of variability has been a primary theme. However, this robustness is often at the expense of power
consumption, which is also summarized. There are still many open problems for future research
not only in clock synthesis methodologies but also by incorporating new low-power clocking
circuits and technologies.
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12.1 INTRODUCTION

Explaining how to best design libraries is usually a difficult task. We all know that a library is a
collection of design behavior models at specific points in the design process, but in order to fully
understand what it means to design libraries, we have to explore the intricacies and challenges
of designing libraries. This includes examining what it means to design libraries, understanding
the background, exploring the design process, and, perhaps, even analyzing the business models
for libraries.

12.2 WHAT DOES IT MEAN TO DESIGN LIBRARIES?

Good designers must optimize constraints to achieve market requirements in terms of a finite
number of cost functions. For example, they have to consider costs, performance, features, power
consumption, quality, and reliability. These considerations are pretty universal for any design—
even if you were designing a car, cell phone, or toaster.

On top of the traditional design constraints, the dramatic shortening of product life cycles also
impacts design engineers. Often, this concern results from the dominance of consumer applica-
tions in the marketplace. The components of this trend are as follows:

® Hardware continues to be commoditized.

B Spiraling design costs lead to an increasing use of design platforms.

B Original device manufacturers (ODMs) build private label hardware (e.g., Wal-Mart).

B Original equipment manufacturers (OEMs) differentiate software and build brand value
(e.g., Dell).

B Value is created through algorithms, system architecture, and software.

B Partitioning hardware and software has become the key decision.

B Reusing design platforms provides market leverage over multiple product cycles.

Thus, there are two opposing issues you must consider when designing libraries: time to market
and costs. Industry economics (related partially to the complex nature of manufacturing small
geometry silicon and short product lives driven by consumers) have little room for political or
technical arguments. Instead, the answer for many system providers is reusable design platforms.
Some key advantages of design platforms are as follows:

= Allowing a provider to capture multiple market segments by amortizing large and grow-
ing design costs and reducing time to market.

B Reducing the number of core processor architectures, while allowing more differentia-
tion at the software application level.

B Increasing the percentage of mixed-signal designs as high-speed and mobile applica-
tions are integrated into a single silicon system-on-chip (this does not need to be a SoC
it could be a multi-die solution or even a small form factor by board implementation).

B Providing flexibility of outsourcing and integrating pre-verified intellectual property
(IP) functional blocks.

B Increasing hardware and software programmability. For the system architects, the
trade-off is hardware or software. Software offers flexibility but costs silicon real estate,
degraded system performance, and increased power consumption.
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B Enabling special emphasis or “special sauce” to be captured in custom blocks or in
software.
B Including retargeted IP. Previously used IP substantially reduces functional risk.

12.3 HOW DID WE GET HERE, ANYWAY?

Electronic system design has evolved in the last 30 years into a hierarchical process, which gener-
ally can be separated into three groups: system design, hardware and software implementation,
and manufacturing and test. Although each group has its own area of optimization, they each
must maintain the design intent originally specified in the system requirements. Each level of the
design hierarchy must preserve the design intent of the preceding level (Figure 12.1).

As the design progresses through the hierarchy, the details of design intent become more
specific. Design intent at the system design level guarantees that the system performs the desired
function under certain specifications, such as power and speed. At the hardware implementation
level, design intent is preserved by block- and instance-level specifications. Finally, at the manu-
facturing level, design intent is preserved by the lowest-level primitives, such as transistors and
metallization.

Asan example, we can analyze the design of a cell phone.

The system supplier (e.g., Nokia) is typically the company that is familiar to the consumer.
With an ever-increasing complexity in electronic systems, consumers have come to rely on a
brand to make their purchase decisions. If all brands have equal qualities, the market becomes
commoditized, and the only factor then is cost. For example, brands that command a premium
price are Sony and Apple Computers. To avoid commoditization, system suppliers must continue
to increase their systems’ features and performance. Their tasks include market definition, prod-
uct specification, brand identity, and distribution. The system designer in a company like Nokia
works from a specification and describes the design in terms of behavior. The behavior can be
expressed in a high-level language such as C, System C, or C++.

At hardware and software implementation, the implementation company (e.g., Texas
Instruments) will create a logical and physical description. Brands in this area are less of a factor
with the consumer (the notable exception being the lingo “Intel Inside,” which managed to com-
moditize everyone else on the motherboard). The main concerns are design closure for perfor-
mance, cost, and power. In the implementation phase, there must be a convergence of the design
or closure. The litmus test for closure is whether the design has met the performance specifica-
tions in physical implementation.

-

Algorithm and system architecture design

ESL

A

Hardware/software partitioning

N | ILRAED gy felin € g AL | C++ software development o
| RTL to netlist |
EDA
| Netlist to GDSII |
Disaggregated with
O FM/D;
pett { b Y pure-play foundries
Foundry { Silicon Mfg

A

Eval board bring-up

FIGURE 12.1 Design hierarchy.



286  12.3 How Did We Get Here, Anyway?

Horizontal and vertical solutions

Design :
= SOC platfa Bi
implementation platiorm LanY

IC

TI

Silicon Statistical TSMC

manufacturing

Vertical articulation points = Ultra value opportunities
Prediction/simulation, optimization, and verification

FIGURE 12.2 Horizontal and vertical design solutions for cell phone example.

At the manufacturing level, the manufacturing company (e.g., TSMC or Flextronics) provides
manufacturing integration and test, process control, supply logistics, and capital utilization.
In electronics design manufacturing, the measure of success is different from implementation.
At the implementation phase, there is a binary decision (i.e., were the specifications met or
not?). In manufacturing, it is statistical. Does the finished good fall in the statistical standard
deviation that defines a good product?

In an increasingly disaggregated design chain, there must be efficient and accurate methods to
communicate both vertically and horizontally to ensure the integrity of design intent. Figure 12.2
shows how horizontal and vertical solutions may appear for our cell phone example.

12.3.1 WHAT DEFINES HORIZONTAL DESIGN SPACE?

At any given step in the vertical hierarchy of the design process, there is a need to explore the
design space. Engineers at each level must guarantee that the design intent from preceding levels
is preserved. This entails understanding the design constraints, optimization of the design, and
validation of the implementation at the current level.

Generally, the progression horizontally is the following:

B Measure: Using instruments automatic test equipment (ATE) or a computer program
(timing analyzer) to measure the attributes of the current design.

B Model: A parameterized mathematical model of the behavior found through measure-
ment, the accuracy of which is directly related to the level of statistical control. Typically,
there is a trade-off between model accuracy and complexity. Often, developers look to
develop the perfect model. This, in turn, drives more computation time and subse-
quently reduces the number of possible experiments due to limited resources. Generally
speaking, there is more value in exploring a larger design space.

B Analyze: Tools to view and edit the results of the designer’s experiments in optimizing
the design against constraints.

B Simulate: An engine using the models defined in the lower levels of the design hierar-
chy to explore “what if” scenarios. This can expose more widely the opportunities to
optimize.

m Verify: Often, the same engine is used in simulation, but with assertions on the design,
to verify that design intent was not changed during design optimization.
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B Optimize: A process that uses weighted design constraints to perform experiments
to best fit the design. The optimization process can be performed using an auto-
mated or manual approach, depending upon the complexity of optimization and the
number of experiments required. The drive is toward automation, but this is not
always feasible.

Libraries in the horizontal solution will contain models, pre-verified IP, and a set of rules (test
benches, design rules, or lower-level models) for verifying the design. A test bench implements
an automated method for generating stimulus to apply to the model of the design, along with the
means of comparing the expected results with the simulated results.

In terms of economic value, in the history of electronic design automation (EDA), more value
has been awarded to simulation and optimization products that follow analysis in the horizontal
flow. While modeling is a very difficult but necessary step, it has not been able to extract the
same value.

12.3.2 WHAT IS A VERTICAL DESIGN SOLUTION?

In the vertical axis of the design chain, the critical step is verification of the design as it moves
through the vertical design chain flow.

An excellent example is at the physical verification step, where you verify whether an IC design
has met the manufacturer’s rules. The best execution of verification is to use the same physical
verification engine and rules that the manufacturing semiconductor foundry will use to verify
the design for manufacturing. In the past, verification tests were based solely on geometric rules,
but they now rely increasingly on a model-based approach to ensure manufacturability. It has
become an extremely difficult problem to ensure that design intent is maintained, as the design
moves from a binary to a statistical world. Several companies (e.g., ARM, Virage) have established
an excellent business of developing standard physical library elements for pure-play foundries
(e.g., UMC, TSMC) that already take into account the manufacturing variability bridging graphic
data system II (GDSII) to silicon.

In another example, at the system level of the design chain, the software developer relies on
hardware behavior models to optimize software application. In this area, the software engi-
neer has no concept of a clock, as a hardware design would. The processor model only needs
to be “cycle” accurate to ensure that the application can be verified effectively. Several companies
(e.g., Virtutech, VAST, and Carbon) have offered their approach to modeling the processor behavior.

12.4 COMMERCIAL EFFORTS

These examples have illustrated that there is a need for IP or libraries in both the horizontal and
vertical design chain. This need was recognized far back in the early 1970s. Early efforts such
as in [1,2] concentrated on supplying the physical design of standard cells. Then new forms of
modeling were added, typically behavioral and timing [3]. Integrated design and manufacturing
houses explicitly built libraries to ease vertical integration [4], and vertically integrated systems
implicitly included libraries [5,6]. As processes became more complex, libraries were also char-
acterized for faults [7], signal integrity [8], and yield [9]. There are now companies such as ARM
[10] and websites such as Design and Reuse [11], which are completely devoted to IP and libraries.

Economically, the commercial efforts that have done well have developed a de facto standard
for communicating design intent across the design chain. The design chain adopts them as the
standard protocol to communicate design data. They have enjoyed a proprietary position through
a combination of business models and technologies, enabling them to establish broader prod-
uct and service portfolios. Examples are Synopsys with their DesignWare and timing libraries,
Rambus with memory controllers, Artisan with standard cells and memories, and Meta Software
with SPICE models.
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12.6 Enemies of Progress

It is interesting that the market capitalization for the major IP companies has grown signifi-
cantly (e.g, ARM, RAMBUS, Tessera, and Synopsys with DesignWare). These commercial IP
companies have been able to capture significant value from the design chain, as it has become
disaggregated. What is different with regard to the traditional EDA companies is that once IP
is established, there is room for only one dominant supplier. As the design chain disaggregates,
the requirements of preserving design intent create high-value opportunities (i.e., pre-verified
IP, EDA tools, or semiconductor manufacturing). In the physical IP space, the use of the IP can
insulate the designer from the changing physics of manufacturing, so the designer can focus on
creating value in the design, and not on whether manufacturing can deliver the design intent. The
details are embedded in the physical IP.

IP will continue to increase in value, as the design chain continues to disaggregate, and the
difficulty of communicating design intent increases. For example, the complexities of manufac-
turing, both in the physics (lithography, etch, and CMP) and in logistics (global supply chains),
require efficient and accurate virtual use of information by teams that know no political or time
boundaries. The winners will solve not only the modeling problem technically but also the busi-
ness challenges of addressing this 24/7/365 world.

There will be growth in the IP and libraries in the horizontal domain as current EDA models
continue to mature. We can think of it in terms of an “evolution” that will identify more param-
eters (e.g., 48 term BSIM4 SPICE models that now include power), new analysis technologies
(software and hardware) for dealing with the increased compute and data volumes, and new
assertion cases for verification.

12.5 WHAT MAKES THE EFFORT EASIER?

IP and library standardization of information would be a great step forward. Standardization is
usually the instrument of market expansion. Common interfaces between vertical domains allow
the free and unencumbered exchange of information.

12.6 ENEMIES OF PROGRESS

The design solutions that made winners in the past will not work with the speed of the market
today. The following is a list of issues that have caused problems in the past, especially in IP and
libraries. These should be avoided if possible:

B Warring tribes that miss the “Big Picture” of consumer demands (UNIX vs. DEC/VMS;
VHSIC Hardware Description Language vs. Verilog; System Verilog vs. SystemC, etc.).

B Unclear benefits such as the supplier controlling the agenda.

® Companies holding onto proprietary formats, until it becomes detrimental to their
growth. Some enlightened suppliers have seen the future and have opened their
standards.

B Political motivation that limits competition (DivX and IBM Microchannel).

B Customer edict without sufficient vendor input (e.g., OLA, another logical format [ALF],
VHDL, Wal-Mart, and radio frequency identification [RFID]).

® Difficult to adopt and no mapping of existing infrastructure. No one has the time or
money to do something that does not have a clear and efficient cost/benefit over existing
solutions.

® The installed base is incompatible, and the cost to adopt is prohibitive.

B Standards that are ahead of their time, and solutions looking for problems.

B Perfection can be the enemy of a good solution. Good enough will win the day. Do not
postpone for perfection.

B Abstraction without effective automation. This is generally a gap between domains that
are not interconnected. As a result, the standard becomes useless.
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12.7 ENVIRONMENTS THAT DRIVE PROGRESS

There are circumstances that make IP less of a limiting factor and more of an enabler. In order to
increase system complexity and continue manufacturing that enables differing versions of IP, you

need to consider the following attributes:

Design is increasingly driven by cost, efficiency, and functionality over raw performance.
Does the world need any more MIPS?

The effective communication of design intent and the use of models to the surrounding
levels in the design chain.

Cost pressures will cause industry consolidation around new market aggregation layers
(IP and library companies have and will continue to capture value). Other companies
like eSilicon and OpenASIC are successfully using design and logistics information to
develop new business models.

Reliance on standards will amortize the cost by members of standard conforming groups.
Open IP standards are allowing for a new road map of requirements and the develop-
ment of commercial offerings (PCI-X, DDR1/2). Systems companies will innovate in the
applications not in the protocols.

Standards (products, architectures, interfaces, and abstractions) enable economies of
scale and the reuse of platforms over multiple product cycles.

12.8 LIBRARIES AND WHAT THEY CONTAIN

The following lists are examples of libraries at various levels in the vertical design hierarchy (from

low to high) as well as the methods for communication:

12.8.1 LOW-LEVEL PHYSICAL IP

These include standard cells, memory, analog/mixed signal IP, and interface IP, such as
I/O cells and PHYs. (PHY is a generic term referring to a special electronic circuit or func-
tional block of a circuit, which provides physical access to a digital interconnect cable.)
Examples: ARM Holdings, Virage, internal design groups, etc.

Typical libraries enable variations to optimize area, speed power, and increase the yield.
These are implemented via configuration or cell variants.

Outputs to higher levels in the design hierarchy: cell layout (typically GDS-II), routing
model (typically LEF), functional models (typically Verilog), timing models (typically.
lib), circuit models (typically SPICE), and yield models (often PDF solutions format).
Inputs from lower levels in the design hierarchy (manufacturing): geometric rules, tran-
sistor device models, and yield trade-off rules.

12.8.2 HIGH-LEVEL PHYSICAL IP (CORES)

Examples: ARM, MIPS, and OAK.

Typical libraries offer time to market advantages with a functional and performance
guarantee. Offer no aspect ratio control or functional flexibility.

Outputs to higher levels in the design hierarchy: cell layout, routing model (abstract),
functional model, timing model, and yield model.

Inputs from lower levels in the design hierarchy: process models, lower-level IP models,
and system specification.
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12.9 Update: Lithography Limits, New Transistors, and Implications for Libraries

12.8.3 HIGH-LEVEL SOFT IP

B Examples: serial bus controllers, processor cores.

B Advantages: flexible aspect ratio and usable with many processes.

® Disadvantages: may be difficult to communicate design intent to the physical imple-
menter, complex soft IP may diminish due to complexities introduced in the manufactur-
ing process. It is hard to provide a performance guarantee, since detailed implementation
is unknown at design time.

B Inputs from higher levels in the design hierarchy: block-level specifications for perfor-
mance and functionality.

B Qutputs to lower levels in the design hierarchy: logic net list, performance parameters,
and placement information.

12.8.4 SYSTEM DESIGN/IMPLEMENTATION

B Inputs from higher levels in the design hierarchy: high-level C code and system
specifications.

B Inputs from lower levels in the design hierarchy: low-level models for function, timing,
power, and area.

B Outputs to lower levels in the design hierarchy: block-level specifications and overall
system specifications for performance and cost.

12.8.5 SYSTEM ARCHITECTURE

m System specification: market-driven specification starts the design process.

B Outputs to lower levels in the design hierarchy: system functional code communicates
system functionality along with the system performance requirements to the system
design phase.

12.9 UPDATE: LITHOGRAPHY LIMITS, NEW TRANSISTORS,
AND IMPLICATIONS FOR LIBRARIES

At technology nodes with feature sizes below 40 nm, library design necessitates a much more
intimate interaction between the manufacturing process engineers and the design engineers.
This is due to the fact that advances in lithography have plateaued in terms of resolution with
193 nm light sources in immersion-based scanners. This has imposed new constraints on library
designers, particularly in the physical implementation and layout of library elements.

In addition, new transistor structures like FInFETs will have a significant impact on library
architectures, circuit design, and modeling.

12.9.1 193 NM IMMERSION LITHOGRAPHY

The minimum feature size of an optical system is directly proportional to the wavelength of light
and inversely proportional to the numerical aperture (NA) of the optical system. Light sources
have reached a limit of 193 nm (deep ultraviolet excimer laser). Light sources of 193 nm were first
widely deployed at the 65 nm node. The next advance in shorter wavelength light sources has
been focused on extreme ultraviolet (EUV) with wavelengths of 13.5 nm. EUV is still in develop-
ment, facing a number of technical challenges to see wide-scale deployment.

With wavelengths being limited to 193 nm, improvements in numerical aperture have been
made using water instead of air as the interface. Water’s refractive index allows an increase to a
NA of 1.35 from 0.93 in today’s immersion lithography systems. Immersion lithography was first
deployed at 45 nm and will be the workhorse system down through at least the 14 nm node.
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12.9.2 DESIGN PROCESS CO-OPTIMIZATION

With both wavelength and NA having plateaued, another variable that can help improve the
resolution of smaller feature sizes is controlling the complexity of the patterns that are required
to be printed. Complex patterns with bends and jogs in close proximity to each other are difficult
to resolve and set up interference patterns that are unpredictable. In more advanced technologies,
standard cell designers have to deal with proximity effects. This entails placing a cell surrounded
by representative neighboring cells and extracting the parametric variations due to these neigh-
boring cells. These variations are then factored into the electrical characterization of the cells.
In addition, design margins for variability on a broader scale across the entire chip must be factored
in with OCV (on chip variability) factors.

The easiest pattern for an optical system to resolve is a series of straight lines on a fixed pitch.
Since transistor variation is a critical concern, manufacturers have begun requiring restrictions
at the 32/28 nm node on the gate-level layout that essentially results in the gate layer being a series
of straight-line patterns. This restriction forces cell library designers to develop alternative cell
architectures and physical implementation methodologies.

In advanced technology nodes, the limits of optical lithography in terms of process variability
and design rule restrictions are driving a much closer collaboration between library designers
and the process development community. This collaboration must not only be close but must start
much earlier in the design of a new node, as trade-offs between the manufacturing process and
its impact on design must be rationalized early in the development cycle. From an industry stand-
point, this has led manufactures, including “pure-play” foundries, to invest in library designs
teams while at the same time forging closer alliances with customer library teams as well as
third-party library entities.

12.9.3 BEYOND THE RESOLUTION LIMIT

Even straight-line patterns run into resolution issues at feature sizes associated with the 20 nm
node. In the absence of shorter wavelength lithography like EUV, the techniques associated with
double patterning or multiple patterning are the only solution available. A simplistic illustration
of double patterning for a series of straight lines would be creating two lower resolution masks,
with alternate lines on each mask. This shifts the lithography challenge from resolution to align-
ment accuracy, as the second pass line patterns must be accurately interleaved with the first pat-
tern in order to achieve accurate spacing between all the lines. There are many techniques in the
industry to accomplish this type of resolution improvement.

Some involve multiple optical exposures, and others use a single exposure and multiple
process steps to implement a technique referred to as pitch division to increase resolution.
In general, the impact on cell library designers involves restrictions on layout rules to enable
these multi-patterning approaches to be implemented.

The combination of layout restrictions for variability and multi-patterning is driving the EDA
(Electronic Design Automation) industry to also collaborate more closely, and early, in the pro-
cess development phase. The complexity of dealing with these restrictions and their interactions
must be automated, in order to be feasible to implement the billion transistor designs that 28 and
20 nm nodes enable. Additional complexities introduced by new transistor structures will put
additional burdens on EDA companies to help automate and model the interactions of these new
technologies.

12.9.4 NEW TRANSISTORS

At 20 nm and below, companies are beginning to deploy new transistor structures, in particu-
lar FInFET or 3D Tri-Gate, that have very fundamental design differences and implications for
cell library design. These transistor structures have dramatically improved power-performance
characteristics and are hence attractive for all applications, in particular for the proliferation of
battery-operated mobile devices [12].
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The discrete size of the fin in these devices leads to a quantization in terms of transistor sizing. The
width of the transistor is no longer a continuum but a multiple of the number of fins. This is a
significant change that standard cell library designers must deal with, in architecting the overall
library or family of libraries, in terms of area, performance, and power. Another key issue for
FinFETs is the 3D nature of the structure and the complex modeling implications of this [13]. As these
devices are new, many of the design rules and models remain proprietary and in some cases are
still preliminary depending upon the manufacturer. Cell library innovation using FInFETs is cur-
rently an active industry topic and opportunity for differentiation in the industry.

12.10 SUMMARY

Standard cell-based designs remain the dominant approach for the implementation of SoC, ASICs
being deployed in the vast majority of today’s consumer, communications, and computer prod-
ucts. Libraries must be deployed in advance of the time that leading edge processes are brought
on line, in order for designers to have products taping out to fill the massive fabs brought online
in support of these high-volume consumer applications. In parallel, the EDA industry is grappling
with many simultaneous technical challenges. They include

B Increasing product complexity, the drive to improve design productivity and shorten
design cycles

B Increasing the complexity of manufacturing processes, forcing the knowledge of manu-
facturing physics up the design hierarchy to cause multiple non-convergent optimiza-
tion problems (Litho and DFM/DFY)

m Critically verifying and solving the equivalence problem of design intent

B Increasing need for a higher level of design abstraction/handoff to foster more design
starts

B Optimizing multiple simultaneous design objectives, including power, timing, signal
integrity, etc.

The market has matured—the EDA standards process must also rise to a new level. This will
include IP as well as tools in their design solutions. IP and library products that address the stated
challenges by bridging the horizontal and vertical design chain articulation points are and will be
more valuable. New process technologies require library designers to have not only an in-depth
knowledge of circuit design but also a broad knowledge of adjacent technology considerations in
terms of device design and process development. Close collaboration among companies and enti-
ties in manufacturing, library design, chip design, and EDA is essential for success in advanced
technology nodes.
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13.1 INTRODUCTION

Design closure is the process by which a VLSI design is modified from its initial description to
meet a growing list of design constraints and objectives. This chapter describes the common con-
straints in VLSI design and how they are enforced through the steps of a design flow.

Every chip starts off as someone’s idea of a good thing: “If we can make a part that performs
function X, we will all be rich!” Once a concept is established, someone from marketing says,
“in order to make this chip and sell it profitably, it needs to cost $C and run at frequency F”
Someone from manufacturing says, “in order to make this chip’s targets, it must have a yield
of Y%.” Someone from packaging says, “it has to fit in the P package and dissipate no more power
than W watts.” Eventually, the team generates an extensive list of all the constraints and objec-
tives that need to be met in order to manufacture a product that can be sold profitably. The
management then forms a design team, consisting of chip architects, logic designers, functional
verification engineers, physical designers, and timing engineers, and tasks them to create the chip
to these specifications. Other chapters in this book have dealt with the details of each specific
step in this design process (static timing analysis, placement, routing, etc.). This chapter looks at
the overall design closure process, which takes a chip from its initial design state to the final form
in which all of its design constraints are met.

We begin this chapter by briefly introducing a reference design flow. We then discuss the
nature and evolution of design constraints. This is followed by a high-level overview of the domi-
nant design closure constraints that currently face a VLSI designer. With this background, we
present a step-by-step walk-through of a typical design flow for application-specific integrated
circuits (ASICs) and discuss the ways in which design constraints and objectives are handled at
each stage. We will conclude with some thoughts on future design closure issues.

13.1.1 EVOLUTION OF THE DESIGN CLOSURE FLOW

Designing a chip used to be a much simpler task. In the early days of VLSI, a chip consisted
of a few thousand logic circuits that performed a simple function at speeds of a few MHz.
Design closure at this point was simple: if all of the necessary circuits and wires “fit,” the chip
would perform the desired function. Since that time, the problem of design closure has grown
to orders of magnitude more complex. Modern logic chips can have millions to billions of
logic elements switching at speeds of up to several GHz. This improvement has been driven by
Moore’s law of scaling of technology, which has introduced a number of new design consider-
ations. As a result, a modern VLSI designer must simultaneously consider the performance of
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the chip against a list of dozens of design constraints and objectives, including performance,
power, signal integrity, reliability, and yield. We will discuss each of these design constraints in
more detail in Section 13.1.2.

In this chapter, the distinction between constraints and objectives is not that important and
we will use the words interchangeably. A constraint is a design target that must be met in order
for the design to be considered successful. For example, a chip may be required to run at a specific
frequency in order to interface with other components in a system. In contrast, an objective is
a design target where more (or less) is better. For example, yield is generally an objective that is
maximized to lower manufacturing cost.

13.1.1.1 ASIC DESIGN FLOW

In response to the growing list of constraints, the design closure flow has evolved from a simple
linear list of tasks to a very complex highly iterative flow such as the following simplified ASIC
design flow:

1. Concept phase: The functional objectives and architecture of a chip are developed.

2. RTL logic design: The architecture is implemented in a register-transfer-level (RTL) lan-
guage and then simulated to verify that it correctly performs the desired functions.

3. Floorplanning: The top-level RTL modules of the chip are assigned to large regions of the
chip, input/output (I/O) pins are assigned, and large macro objects (e.g., memory arrays)
are placed.

4. Synthesis: The RTL is mapped into a gate-level netlist in the target technology of the

chip.

. Placement: The gates in the netlist are assigned to nonoverlapping locations on the chip.

6. Pre-CTS placement optimization: Iterative logical and placement transformations to
close performance and power constraints. Idealized clock skew constraints are used up
to this point in the design flow.

7. Clock tree synthesis (CTS): Buffered clock trees are introduced into the design, and clock
gaters are cloned to drive their loads.

8. Post-CTS optimization: Further logic and placement optimization, as clock skews are
known, including optimization to fix hold time violations. Register positions may be
fixed to avoid further perturbation to the clock trees.

9. Routing: The wires that connect the gates in the netlist are added.

10. Post-route optimization: Remaining performance, noise, and yield violations are removed.

Power or area optimization is performed, downsizing and swapping to low-power cells as
wire loads are known accurately. Final checks are done.

Ut

We will use this reference flow throughout this chapter to illustrate points about design closure.
The purpose of the flow is to take a design from concept phase to working chip.

13.1.1.2 EVOLUTION OF DESIGN CONSTRAINTS

The complexity of the design flow is a direct result of the addition and evolution of the list of
design closure constraints. To understand this evolution, it is important to understand the /ife
cycle of a design constraint. The influence of design constraints on the flow typically evolves in
the following manner:

1. Early warnings: Before chip issues begin occurring, academics and industry visionaries
make dire predictions about the future impact of some new technological issue.

2. Hardware problems: Sporadic hardware failures start showing up in the field due to the
new effect. Post-manufacturing redesign and hardware respins are required to get the
chip to function.
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3. Trial and error: Constraints on the effect are formulated and used to drive post-design
checking. Violations of the constraints are fixed manually with engineering change orders
(ECOs), minimizing the scope of the changes and avoiding a respin through the design
flow where possible.

4. Find and repair: The large number of violations of the constraints drives the creation of
automatic post-route analysis and repair flows.

5. Predict and prevent: Constraint checking moves earlier in the flow, using predictive esti-
mations of the effect. These drive optimizations to prevent violations of the constraints.

A good example of this evolution can be found in the coupling noise constraint. In the mid-1990s
(180 nm node), industry visionaries described the impending dangers of coupling noise, long
before chips failed [1]. By the mid-late 1990s, noise problems cropped up in advanced micropro-
cessor designs. By 2000, automated noise analysis tools were available and were used to guide
manual fix-up [2]. The total number of noise problems identified by the analysis tools quickly
became too many to correct manually. In response, EDA companies developed the noise avoid-
ance flows that are currently in use in the industry [3]: early in the flow, critical wires (e.g., clock
nets) may be assigned non-default rules (NDR) to have additional spacing and/or shielding to
reduce cross-coupling, and smaller drive strength cells may not be allowed for long wires; esti-
mates of signal integrity (SI) noise allow post-CTS optimization to try to address the issue; and SI
noise victims will be upsized and aggressors downsized, in post-route optimization to resolve the
majority of the remaining SI violations.

At any point in time, the constraints in the design flow are at different stages of their life cycle.
For example, at the time of this writing, performance optimization is the most mature and well
into the fifth phase with the widespread use of timing-driven design flows. Power and defect-
oriented yield optimization are well into the fourth phase. Power supply integrity, a type of noise
constraint, is in the third phase. Circuit-limited yield optimization is in the second phase. A
list of the first-phase impending constraint crises can be found in the International Technology
Roadmap for Semiconductors (ITRS) 15-year-outlook technology road maps [4].

13.1.1.3 ADDRESSING CONSTRAINTS IN THE DESIGN FLOW

As a constraint matures in the design flow, it tends to work its way from the end of the flow to
the beginning. As it does this, it also tends to increase in complexity and in the degree that it
contends with other constraints. Constraints move up in the flow due to one of the basic para-
doxes of design: accuracy versus influence. Specifically, the earlier in a design flow a constraint is
addressed, the more flexibility there is to address the constraint. Ironically, the earlier one is in a
design flow, the more difficult it is to predict compliance. For example, an architectural decision
to pipeline a logic function can have a far greater impact on total chip performance than any
amount of post-route fix-up. At the same time, accurately predicting the performance impact of
such a change before the RTL is synthesized, let alone placed or routed, is very difficult.

This paradox has shaped the evolution of the design closure flow in several ways. First, it
requires that the design flow is no longer composed of a linear set of discrete steps. In the early
stages of VLSI, it was sufficient to break the design into discrete stages, that is, first do logic syn-
thesis, then do placement, and then do routing. As the number and complexity of design closure
constraints have increased, the linear design flow has broken down. In the past, if there were too
many timing constraint violations left after routing, it was necessary to loop back, modify the
tool settings slightly, and re-execute the previous placement steps. If the constraints were still not
met, it was necessary to reach further back in the flow, modify the RTL, and repeat the synthesis
and placement steps. This type of looping is both time consuming and unable to guarantee con-
vergence. It is possible to loop back in the flow to correct one constraint violation, only to find
that the correction induced another unrelated violation.

To minimize the requirement for frequent iteration, the design flow has evolved to use esti-
mates of downstream attributes. As an example, wire length and gate area are used to drive
upstream optimization of timing and power dissipation. As the design evolves, these approxi-
mations are refined and used to drive more precise optimizations. In the limit, the lines that
separate two sequential steps such as synthesis and placement can be removed to further improve
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downstream constraint estimates. For example, physical synthesis now includes global placement
within the synthesis step in the EDA flow, and this placement can be used as a starting point for
pre-CTS optimization (instead of an unplaced gate-level netlist) to improve timing correlation
and results. In today’s most advanced design closure flows, the lines between once-discrete steps
have been blurred to the point that steps such as synthesis, placement, and routing can be simul-
taneously co-optimized [5,6]. The evolution from discrete stand-alone design steps to integrated
co-optimizations has had a profound influence on the software architecture of EDA flows.

Modern design closure suites are composed of three major components: a central database; a
set of optimization engines, that is, logic optimization, placement, and routing; and a set of analy-
sis engines, for example, static timing analysis, power analysis, and noise analysis. The central
database manages the evolving state of the design. The optimization engines modify the database
directly, while the analysis engines track incremental changes in the database and report back
on the results. By allowing a certain degree of independence between optimization engines and
analysis tools, this data-driven architecture greatly simplifies the addition of new design con-
straints or the refinement of existing ones. More detail on data-driven EDA software architecture
can be found in Chapter 1.

13114 EVOLUTION OF CHIP TIMING CONSTRAINTS

The evolution of chip timing constraints provides a good overall illustration of a constraint’s
movement up the flow.

In the first integrated circuits, analyzing performance consisted of summing the number of
levels of logic in each path. After a couple of technology generations, hardware measurements
began to show that this simple calculation was becoming less accurate. In response, performance
analysis tools were extended to take into consideration that not all gates have the same delay. This
worked for a time, until measured hardware performance again began to deviate from predic-
tions. It was clear that gate output loading was becoming a factor. The performance analysis flow
was modified to determine the delay of a gate, based on the total input capacitances of the gates
it drove.

As process technologies scaled smaller, wire capacitance became a more significant portion
of the total load capacitance. Wire length measures were used to calculate total wire capaci-
tive load, which was converted into a delay component. As performance increased further,
wire resistance became a factor in all interconnects, so delays were approximated using a sim-
ple, single-pole Elmore RC delay model. In the early 1990s, it was observed that the Elmore
approximation was a poor predictor of wire delay for multi-sink wires, and so more complex
moment matching [7] methods were introduced. As timing analysis matured further, it became
increasingly difficult to correct all of the timing constraint problems found after routing was
complete. As the flow matured from find and repair to predict and prevent, it became increas-
ingly important to accurately predict the total wire delay as part of a timing-driven design flow.
Crude models of wire delay were added to placement, in order to preferentially shorten wires
on timing critical paths.

The first placement-based wire delay models used gross estimates of total wire length, such
as calculating the bounding box of all pins on a wire. As interconnect delay grew in impor-
tance, such nonphysical wire length estimates proved to be poor predictors of actual wire delay.
Delay estimates based on Steiner tree approximation of routed wire topologies were introduced
to predict delay better. As interconnect delay increased further, it became necessary to push wire
length calculation even further back into pre-placement logic synthesis. Initially, this was done
using simple wire load models characterized by placed block size, which assigned average wire-
length and wire capacitance based on fanout count. Eventually, this too proved too inaccurate for
high-performance logic.

By the late-1990s, placement-driven physical synthesis [5,8] was introduced to bias logic
synthesis, based on predictions of critical wire length. As the handling of timing constraints
matured, it also began to contend more with other constraints. During the early days of design
closure, chip timing problems could be mitigated by increasing the drive strength of all circuits
on a slow path. However, doing this increases active power and also increases the chance of cou-
pling noise onto adjacent wires.
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We will now shift our focus to learn more about the specific design constraints that are facing
chip designers. Armed with this, we will then begin a detailed walk-through of a typical design
closure flow.

13.1.2 INTRODUCTION OF DESIGN CONSTRAINTS

Chip designers face an ever-growing list of design constraints that must be met for the design
to be successful. The purpose of the design closure flow is to move the design from concept to
completion, while eliminating all the constraint violations. This section will briefly introduce the
current taxonomy of design constraints, objectives, and considerations and discuss the impact
and future trends for each. For the sake of this discussion, we will divide the constraint types into
economic, realizability, performance, power, signal integrity, reliability, and yield.

13.1.21 ECONOMIC CONSTRAINTS

While not explicitly technical, the economic constraints governing design closure are perhaps the
most important constraints of all. Economic constraints pertain to the overall affordability and
marketability of a chip. Economic constraints include design cost, time to market, and unit cost.

B Design cost constraints govern the non-recurring expense (NRE) associated with com-
pleting a design. This includes the cost of the skilled resources needed to run the design
flow, of any test hardware, and of additional design passes that occur due to errors.
These costs also include the amortized cost of facilities, computer resources, design
software licenses, etc., which the team needs to complete the task. Design cost can be
traded off against other design constraints such as performance and power, because
increased effort and skill generally will yield better optimization. Missing a design cost
estimate can be a very serious problem, as cost overruns generally come out of pro-
jected profit.

B Time-to-market constraints govern the schedule of a design project. This includes the
time required for development, manufacturing, and any additional hardware respins
necessary to yield a functional and manufacturable part in sufficient volumes to meet
the customers’ requirements. Time-to-market cost can be traded oft against other
design constraints such as performance and power because, like increased design effort,
an increased design time generally yields better optimization, albeit at the expense of
design cost. Missing a time-to-market constraint can imply missing a customer deadline
or market window. In competitive market segments, being late to market can mean the
difference between huge profits and huge losses.

B Unit cost constraints govern the cost of each manufactured chip. This includes the cost
of the chip itself accounting for any yield loss, the package, the cost of the module assem-
bly, and the cost of all testing and reliability screens. Unit cost is a strong function of chip
die size, chip yield, and package cost. This can be traded off against design cost and time
to market, by allowing additional effort to optimize density, power, and yield. Missing a
unit cost constraint can make a chip noncompetitive in the marketplace.

13.1.2.2 REALIZABILITY CONSTRAINTS

The most basic constraint of VLSI design is “does the chip fit and does it work?” These “realizability”
constraints pertain to the basic logical correctness of the chip. Realizability constraints include
area constraints, routability constraints, and logical correctness constraints.

B Area constraints are one of the most basic constraints of any VLSI design, that is, does
the chip “fit” in the desired die size and package? To fit, the total area required by the
sum of the chip’s circuitry, plus additional area required for routing, must be less than
the total useable area of the die. The die size and package combination must also sup-
port the type and number of I/O pins required by the design. Because silicon area
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and package complexity are major components of chip cost, minimizing the die size
and the package complexity are major goals in cost-sensitive designs. The impact of
mispredicting capacity can be great. If the required area is overestimated, die utiliza-
tion is low and the chip costs more than it should. If the required area is underesti-
mated, the design must move to a larger die size or more complex package, increasing
cost and adding design time.

B Routability constraints ensure that the resulting placement can be completely con-
nected legally by a router. The impact of mispredicting routability can impact average
wire length, which can affect timing. If routability is compromised enough, the design-
ers must manually route the overflows that could not be routed automatically. In the
worst case, mispredicting routability can require that the chip be bumped up to a larger
die size at great impact to cost and schedule. The challenges of this problem have been
growing due to a number of factors, such as increasing gate count; increased complexity
of metallurgy, including complex via stack rules and multiple wire widths and heights;
manufacturability constraints; double patterning; and increased interrelations between
performance and routing. However, the addition of extra routing layers and improve-
ments to routing technology have alleviated this problem to some extent. Routability
problems can be mitigated by adding additional area for routing, which contends with
chip area constraints.

B Logical correctness constraints ensure that the design remains logically correct through
all manipulations used by design closure. Modern design flows make significant use
of local logical transformations such as buffering, inversion “bubble-pushing” with De
Morgan’s laws, logic cloning and de-cloning, and retiming to meet performance con-
straints. Today’s optimization tools can perform logic resynthesis to speed up timing
critical paths that are exposed only once the design is place and routed. As these logical
transformations have become more complex, there is an increased possibility of intro-
ducing errors. To ensure that logical correctness is maintained, modern flows use equiv-
alence checking to verify that the design function remains unchanged after each design
step. Furthermore, many designs now have several operating and sleep modes, requiring
careful verification of turnoft and turnon behavior to avoid floating signals from power-
gated off logic driving “awake” logic, and ensure correct initialization of logic woken up
from a sleep state. Obviously, the impact of failing logic correctness is that the chip no
longer functions as intended.

13.1.2.3 PERFORMANCE CONSTRAINTS/OBJECTIVES

Once we ensure that the design will fit and is logically correct, the primary function of design
closure is to ensure that the chip performance targets are met. Traditionally, chip timing has
received the most focus as a design objective. Performance constraints can be divided into setup
and hold time constraints.

B Setup timing analysis establishes the longest delay, the critical path among all paths,
which sets the maximum speed at which a chip can run. Setup timing is also known
as late-mode timing analysis. Setup timing considerations can either be a constraint,
that is, the chip must run at least as fast as x; or they can be a design objective, that is,
the faster this chip, the better it runs. Setup timing constraints are enforced by com-
paring late-mode static timing results against desired performance targets and clock
cycle time. Setup timing constraint violations are removed by decreasing the gate
or interconnect delay along critical paths. Gate delays can be reduced by decreasing
logic depth, increasing gate drive strength, increasing supply voltage, or substituting
gates with low transistor threshold voltage (low V) logic. Interconnect delay can be
reduced by decreasing wire length, adding buffers, widening wires to reduce their
resistance at the cost of increased capacitance, or increasing spacing between wires
to reduce cross-coupling capacitance. Setup timing constraint violations can also be
resolved by allowing more time for a path to evaluate through the addition of useful
clock skew.
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FIGURE 13.1 Interconnect and gate delay scaling trends.

Meeting the setup timing constraint for all paths is becoming increasingly diffi-
cult due to the combination of increasing chip complexity and clock speeds, com-
bined with an increasingly pronounced “roll-oft” of technology performance scaling.
Both device performance and interconnect performance are failing to keep pace with
the decades-long Moore’s law improvement rate. More worrisome is that intercon-
nect performance is scaling even more slowly than gate performance, as illustrated
in Figure 13.1. In fact, increases in wiring resistance are beginning to cause reverse
scaling, in which the relative interconnect delay actually increases with each new tech-
nology node. This implies more design closure effort in additional buffering and multi-
cycle pipelining of signals that need to go a long way across the chip. Optimizations
for setup timing constraints on one path may contend with setup timing constraints
on other paths. For example, increasing the gate size to reduce delay on one critical
path may increase gate load on another critical path. Setup timing optimizations also
contend with power optimization. Most techniques used to optimize the setup time
increase the total chip power—for example, gate upsizing, buffering, and low threshold
logic substitution.

The impact of missing a setup timing constraint is that the chip is slower than

required. In most designs, missing the setup timing constraints implies increasing the
cycle time of a circuit. This may imply that the system specification must be renegoti-
ated, or at worst case, redesigned at great cost of money and time. In some rare cases
however, the final timing objectives may be negotiable, for example, one may be able to
sell a slower microprocessor for less money.
Hold timing constraints are designed to prevent a path from being too fast to hold the
signal steady while it is captured at the receiving register. Hold timing is also known as
early-mode timing analysis. Unlike setup timing constraints, hold timing is always a
constraint and never an objective. A single hold violation means that the chip will not
function at any speed. Hold timing issues are difficult to estimate early in the design
flow. They generally must be analyzed and corrected after final clock routing is added
to the design. Then, static timing analysis for hold verifies that the final logic state is
stable before the capture clock fires. This testing must account for possible clock skew
induced by manufacturing variations. It is necessary to run static timing over multiple
process corners, for example, fast wiring with slow logic and fast logic with slow wiring,
to predict these cases correctly. Poor control of clock overlap can also give rise to a large
number of hold time violations. Hold timing violations are removed by adding delay ele-
ments such as buffers to fast paths. By adding circuitry, hold constraints contend with
area, power, and setup timing constraints.



Chapter 13 - Design Closure 303

13.1.24 POWER CONSTRAINTS/OBJECTIVES

Power dissipation can either be a constraint, that is, the chip must consume no more than x
Wiatts; or it can be a design objective, that is, the less power this chip uses, the longer the battery
will last. As chip geometries have scaled, the total chip power has become an increasingly impor-
tant design closure constraint.

Power can be divided into two types: dynamic power and leakage power, which can contribute
different portions to the total power consumption of a circuit, depending on its operation mode.
Active power is used when the chip is on, and standby power is dissipated when the chip is off.
Some ICs have a variety of different shallows through deep sleep states, where increasingly more
of the design is power-gated off, with only a small portion of the circuit active waiting for input.
Likewise, active operation modes may range in use from low power, low frequency, low voltage,
(even near-threshold voltage operation) to turbo-mode peak operation with a frequency above
that permitted by thermal design power limits, until the operating temperature exceeds pre-
defined bounds, which triggers frequency reduction to avoid damaging the circuit.

B Dynamic power is dissipated through the charging and discharging of the capacitance of
the switching nodes. Active power is proportional to the sum of %FSCV? of all switch-
ing signals on a chip, where F is the clock frequency, S the switching factor, that is, the
average fraction of clock cycles in which the signal switches, C the total capacitive load
presented by logic fanout and interconnect, and V the supply voltage. Active power
increases due to higher chip logic densities, increased switching speeds, and a slowdown
in voltage scaling due to limits on scaling gate oxide thickness. Active power can be
lowered by decreasing gate size or wire load, and reducing switching frequency via clock
gating. Reducing gate size to reduce active power also reduces the drive strength of the
gate and thus contends directly with performance optimization. This gives rise to the
essential power/performance trade-off.

B Leakage power is due to current that leaks through a device channel or transistor gate,
even when it is turned off. Leakage power is increasing relative to dynamic power in
MOSEET transistors, due to the use of smaller active transistor gate geometries, thinner
transistor gate oxides that increase gate tunneling leakage, and lower threshold voltages
used to offset the increase in gate delay with lower supply voltage. Subthreshold leakage
power is a function of supply voltage, temperature, device threshold voltage, and logical
state. Figure 13.2 shows the active and leakage power density trends by technology node.

There are several common approaches to reduce leakage power. Leakage power can be reduced
by swapping faster transistors to slower transistors with longer channel length or high threshold
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FIGURE 13.2 Active and leakage power trends.
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voltage (high V) logic, which increases fabrication costs due to the additional implant masks.
Power gating can disable the power supply to inactive portions of the chip at the cost of additional
area for the sleep header or footer transistors for the power gates, which when on have some
additional voltage drop that also reduces performance. The supply voltage may also be lowered
or reverse-body bias applied to reduce leakage. These methods come at the price of reduced cir-
cuit performance, except where the cells impacted are only on paths that are not timing critical.
FinFET transistors have been introduced in 22 nm and smaller process technologies, significantly
reducing leakage power, but these new process technologies are more expensive, increasing unit
cost.

In high-performance applications such as server microprocessors, power constraints are gen-
erally imposed by the amount of heat that a particular chip, system, and package combination can
remove, before the chip temperature rises too high to allow proper function. In low-performance
applications such as consumer products, factors such as battery life, packaging, and cooling
expense are the major limits. Missing either an active or standby power constraint can neces-
sitate costly redesign of chip, package, or system. In the worst case, it can render a chip unusable
in its intended application.

13.1.2.5 SIGNAL INTEGRITY CONSTRAINTS

Signal integrity constraints prevent chip function from being disrupted by electrical noise. Signal
integrity constraints include power integrity constraints and coupling constraints.

B Power integrity constraints are used to ensure that the chip power supply is robust
enough to limit unacceptable supply voltage variations. As chip logic elements switch,
current is sourced through the chip power routing. The current must either come from
oft-chip or from charge stored in the on-chip capacitance. This reserve capacity on-chip
is in the diffusion structures, routing, and any decoupling capacitors (decaps) connected
to the power bus. The decaps are added to provide small reservoirs of charge to smooth
out switching transients. If it cannot be supplied by local decaps, a switching event with
net current / induces a voltage drop AV = IR+ Ldl/dt, as it flows through the resistance
R and the inductance L of the power supply routing, where dI/dt is the rate of change of
the current with time. These components are depicted in Figure 13.3.

The voltage drop breaks down roughly into three components: IR drop, which is
affected by average current flow I and power bus resistance R; steady-state AC voltage
drop, which is affected primarily by intra-cycle current variation and local decoupling
capacitance; and switching response, which is affected mainly by the switching current
variation and package inductance. When added together, the voltage drops induced
by each switching event lead to potentially large variations in supply voltage, both in
space and in time. Figure 13.4 shows a map of the spatial distribution of the average or
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FIGURE 13.3 Power bus voltage drop components.
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FIGURE 13.4 Power supply voltage drop map.

steady-state voltage drop across a large ASIC, as calculated by IBM’s ALSIM tool. The
resulting voltage fluctuations cause time-varying delays across a chip. If large enough,
these delay variations lead to setup or hold timing violations. Power voltage transients
can also introduce disruptive electrical noise into sensitive analog circuitry. The relative
magnitude of power voltage variations has increased, as total chip power and operating
frequency have increased, and supply voltages have decreased.

Power supply integrity can be improved by increasing the wire width, package power/
ground pin count, and via count used for power supply routing. Transient power integ-
rity can be further improved by the judicious use of decaps. These optimizations con-
tend with capacity and routability constraints.

B Coupling constraints are used to ensure that inter-signal coupling noise does not dis-
rupt chip timing or logical function. Noise is always a design constraint as even a single
violation is sufficient to render a chip inoperable. Coupling noise occurs when a voltage
transition on a noisy aggressor wire causes current to be injected into an adjacent sensi-
tive victim wire through the mutual capacitance of the two wires. The injected current
Al is proportional to CdV'/dt, where C is the mutual capacitance, and dV /dt is the rate
of change of the voltage transition with time, that is, the signal slew rate. If the coupled
signal exceeds the logic threshold on the victim wire, an incorrect logic value or glitch is
induced in the victim circuit, as shown in Figure 13.5. If the victim wire is transitioning
during the coupling event, its delay is affected. If not modeled correctly, this variation in
delay can cause unexpected variations in chip performance. If these delay variations are
large enough, they can lead to improper operation.

Coupling has increased markedly due to increased switching speeds; less noise mar-
gin due to decreased supply voltage; and increased cross-coupling capacitance with
decreased inter-wire spacing and increased wire aspect ratios. Cross-coupling noise
is most easily addressed by downsizing aggressors to reduce the signal slew rate, and/
or upsizing victims to reduce their susceptibility, at the cost of increased delay and
increased area, respectively. Cross-coupling capacitance can be reduced by segre-
gating noisy and sensitive wiring with increased inter-wire spacing, and in extreme
cases, by adding shielding wires—these optimizations contend with the routability
constraint.
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13.1.2.6 RELIABILITY CONSTRAINTS

Once the basic performance targets are met, we need to ensure that the chip will function
properly through its required working life. Reliability concerns are related to processes that
may allow a chip to function correctly immediately after manufacture but may cause the chip
to malfunction at some later point in time. In the best case, this type of unexpected chip failure
may present a costly inconvenience to the customer. In mission-critical functions such as auto-
motive, avionics, or security, the result of a malfunction can be a risk to life. Many reliability
factors can affect the long-term operation of a chip. Most fit into one of the three categories:
device wear-out constraints, interconnect wear-out constraints, and transient disruption
constraints.

B Device wear-out constraints relate to mechanisms that can cause a gradual shift of
transistors’ electrical characteristics over time. Two common concerns are hot carrier
injection (HCI) and negative bias threshold instability (NBTI). HCI occurs when
electrons in the channel of a transistor are accelerated by the high electric field found
near the drain of devices, which are on, or switching. These highly energetic electrons
are injected into the gate oxide where they create electron or hole traps. Over time, these
traps lead to charge build-up in the gate, which changes the threshold voltage. For fast
input slew rates, for example, below 100 ps in 45 nm technology, HCI increases as slew
rate decreases, and as the number of fanouts increase [9]. HCI is accelerated for devices
that have high applied gate voltages, high switching activity, and drive large loads. NBTI
is similar in effect but does not require high electric fields. It affects both switching
and non-switching devices. NBTT is accelerated by high operating temperatures and
can be induced during burn-in test. The effect of these threshold shifting mechanisms is
increasing over time due to the use of thinner gate oxides and lower threshold voltages
required by technology scaling. Shifting the threshold of devices has a direct effect on
the delay through a device. As it ages, delay can either increase or decrease, depending
on the nature of the injected charge and the type of device. In time, the performance
shift may be large enough to cause the chip to malfunction. Device wear-out can be
minimized by reducing the current, by using the lowest supply voltage necessary, and by
reducing load capacitance on the outputs of fast slew rate signals, both of which must be
traded off against performance.

B [nterconnect wear-out constraints relate to mechanisms that can cause a gradual shift
in the electrical characteristics of chip interconnect with time. The principal mecha-
nism is electro-migration (EM). EM occurs when ballistic collisions between ener-
getic electrons and the metal atoms in the interconnect cause the interconnect atoms
to creep away from their original position. This movement of metal can thin wires to
the point that their resistance increases or they fail completely. Like device wear-out,
EM-induced wire wear-out can affect delay to the point that the chip begins to mal-
function. In the limit, EM can cause wires to completely open, which clearly changes
the function of the chip. Electromigration is accelerated by increased current densities.
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Additionally, the new low-permittivity dielectric materials introduced to help per-
formance have inferior thermal characteristics. The result is an increase in wire self-
heating, which further accelerates EM. EM problems can be mitigated by widening
high-current wires and lowering the loads on high-duty cycle signals. These mitigations
contend with both routability and performance constraints.

B Transient disruption constraints relate to mechanisms that cause a sudden failure of
devices or interconnect. The two most common mechanisms are electro-static discharge
(ESD) and soft error upset (SEU). ESD occurs when unacceptably high voltage is inadver-
tently presented to chip structures. This can occur either due to induced charge build-up
during manufacturing or a post-manufacture ESD event.

Induced charge build-up can be caused by certain manufacturing processes that involve high
electric fields that can induce charge on electrically isolated structures, such as transistor gates. If
too much charge is induced, the resultant electric field can damage sensitive gate oxides. Induced
charge ESD is mitigated by insuring that all gate inputs are tied to at least one diffusion connec-
tion. This allows a leakage path to ground, which prevents build-up of dangerously high fields. In
some cases, this requires the addition of special floating gate contacts.

Post-manufacture ESD events occur when high voltages are inadvertently applied to the
chip I/O by improper handling, installation, or grounding of equipment and cables. When an
ESD event occurs, the gate of any device connected to the transient high voltage is destroyed
due to the high field induced in its gate oxide. In some cases, the wiring that connects the pin
to the device may also be destroyed due to the induced transient currents. Post-manufacture
ESD events can be minimized by proper chip handling and by the addition of ESD protection
diodes on all chip I/Os. These diodes protect the chip I/Os by shunting high-voltage transients
to ground.

Soft error upsets are recoverable events caused by high-energy charged particles that either
originate from outer space or from nearby radioactive materials. The carriers induced by the
charged particle as it travels through the silicon substrate of the chip can disrupt the logic state
of sensitive storage elements. The amount of charge required to upset a logic gate is dependent
on its critical charge. As device structures shrink, the amount of charge required to cause a logic
upset is decreasing. SEUs are a concern for circuits operating at high altitude and in space, for
example, avionics, as well as for memory arrays and dynamic logic [10]. SEUs are best addressed
at the architecture level through the addition of logical redundancy or error-correction logic,
which is not a design closure step, per se.

13.1.2.7 YIELD CONSTRAINTS

For all its sophistication, semiconductor manufacturing remains an inexact science. Random
defects and variations in device characteristics can be introduced at almost any step of manu-
facturing, which can cause a chip to not function as intended. The greater the number of chips
affected by manufacturing errors, the more the chips must be manufactured to guarantee a suf-
ficient number of working chips. Mispredicting yield can require costly additional manufactur-
ing, expensive delays, and possible product supply problems. In this way, yield may be considered
a cost-oriented design constraint. In many cases, maximizing yield is considered an economic
design objective.

Foundries focus much of their effort on yield improvement, particularly on the introduction
of a new technology for which initial yields may be only a few percent and insufficient for mass
production. Early adopters of a new technology run the risk of being delayed to market, due to
insufficient foundry capacity because of low yield [11]. Test chips are fabricated to validate a new
process and identify device problems to mitigate this risk. Foundries will specify somewhat con-
servative design constraints to fabless design companies to try to ensure reasonable yield.

Design companies that own their fabrication plants, such as Intel, can optimize their fabri-
cation process for high-volume designs (e.g., change V, implant dosage to improve speed), and
trade-off yield versus design performance and other constraints. Some additional design margin
may be adopted to ensure that those process parameters can be tweaked safely, for example, more
conservative hold time margins.
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Today, most IC design companies are fabless, fabricating their ICs with pure-play foundries
that do not themselves design ICs. Only those with high volumes and high price per part can
negotiate with the foundries for significant process tweaks, such as additional minimum width
metal layers that require double patterning, to achieve higher circuit density.

At the cost of additional testing, which is prohibitive for low-cost parts, fabricated ICs can be
binned into high-speed and low-speed parts. It is also more common nowadays for parts to be
binned between high power and low power, which have a higher selling point for the mobile sec-
tor. Binning is another way to trade-off yield versus design cost, recovering some value for less
desirable ICs, providing that there is sufficient market for them.

The two types of yield constraints that must be considered during design closure are defect-
limited yield and circuit-limited yield:

B Defect-limited yield constraints relate to a product that is rendered faulty during manu-
facturing due to foreign material defects or printability defects. Foreign material defects
result when small bits of material accidentally fall on the chip surface or the mask reti-
cule and interfere with the proper creation of a chip structure. Printability defects result
when local geometry, chip topography, optical interference, or other manufacturing pro-
cesses prevent correct printing of a desired width or spacing. These defects may take the
form of unintended shorts between adjacent structures, unexpected holes in insulating
materials such as device gates, or unintended opens in a conductor. Defect-limited yield
can be improved by decreasing the amount of critical area, that is, the inter-geome-
try spacing that is less than or equal to the size of likely defects. Critical area can be
minimized by using relaxed or recommended design rules rather than minimum design
rules, wherever density will allow. This additional spacing contends with capacity and
routability constraints.

B Circuit-limited yield constraints relate to yield loss due to the effect of manufacturing
variations on chip performance. Despite advances in every phase of processing, there
remain uncontrollable variations in the properties of the dimensions and materials
of the finished product. These small variations cause identically designed transistors
or wires to have significantly different electrical characteristics. The most-studied
variation is across chip line-width variation (ACLV), which creates perturbations in
the critical gate length of transistors. ACLV has many causes including uneven etch-
ing due to local shape density variations as well as lithographic distortions caused
by optical interactions between shape regions. As interconnect dimensions have
shrunk, variations in wire delay are becoming equally significant. For example, wire
width variation of +20% causes wire delay variation in minimum width wires of
-7.5% to +15% in 32 nm technology [12] and -20% to +44% in 7 nm technology [13].
A large portion of the wire delay variation is due to lithographic distortion and
issues related to etch rate variations in processing steps, such as chemical mechani-
cal polishing (CMP).

Many trends contribute to the growing concern about parametric yield, including increas-
ingly deep sub-resolution lithography and increasingly complex manufacturing processes. In
addition, decreased device and interconnect dimensions contribute to the relative impact of
variation. For example, decreased device channel dimensions give rise to micro-implant dop-
ant variation, in which the distribution of the relatively small number of implanted dopant
ions creates small differences in transistor threshold voltages. Similarly, gate oxide thick-
ness approaches only five or so atomic layers. In such small configurations, a change of just
one atomic layer can induce a quantized threshold voltage shift of nearly 10%, as shown in
Figure 13.6.

These parametric variations in turn give rise to statistical variations in design performance
characteristics, such as delay and leakage power. Figure 13.7 shows a typical manufacturing
distribution of a large sample of performance screen ring oscillator (PSRO) circuits used to
characterize the performance of a microprocessor. In the example, the PSRO circuits in the
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FIGURE 13.7 Performance screen ring oscillator (PSRO) delay distribution and circuit-limited
yield (CLY).

left-most tail of the distribution represent the fastest circuits, but these same circuits violate
the leakage power constraint and must be discarded. Similarly, the PSRO circuits on the right
tail have low leakage, but they are too slow and fail to meet the setup timing constraint and
must also be scrapped. The portion of the distribution between these two bounds is the circuit-
limited yield.

These variations may be observable both when measuring the same device on different chips
(inter-die) or between identical devices on the same chip (intra-die). Both inter-die and intra-die
variations cause the actual performance of a given chip to deviate from its intended value. For
example, Figure 13.8 illustrates inter-die variations, as measured using identical ring oscillators
placed on each die on a 200 mm silicon wafer. The areas of identical shading have identical fre-
quency measurements. The total range of variation is 30%.

Parametric yield is emerging as a design closure constraint for structured logic. We will dis-
cuss how this will affect the design closure flow in our discussion of the future of design closure
in Section 13.3.
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FIGURE 13.8 Wafer map of inter-die parametric variations.

13.2 CURRENT PRACTICE

In this section, we will examine the design closure implications of each phase of the ASIC
design flow, shown in Figure 13.9. At each phase, we will examine the design constraints that
are addressed, estimations and approximations that are made, and the trade-offs that can be
made between constraints. We will also explore the interactions—both forward and backward—
between the phases.

13.2.1 CONCEPT PHASE

The design concept phase is to set the overall scope of a chip project. During the concept phase,
many aspects of the design are estimated: gate count; cell area utilization; area increase to allevi-
ate routing congestion; operating frequencies; supply voltages; power dissipation; I/O count; yield
percentages; fabrication process technology; and requirements for special processing, such as
embedded dynamic RAM and analog circuits.

There are a number of choices to be made for process technology: technology generation; high
performance or low power; transistor threshold voltages and channel lengths; low-k dielectric
insulator to reduce cross-coupling; standard cell height; metal widths and number of metal lay-
ers that will require more expensive immersion lithography and double patterning. For example,
shorter standard cell height increases area density, reducing wire length and power consumption,
at the cost of reduced performance for smaller drive strengths [14] and reduced routing porosity
as there are fewer routing tracks.

All of these factors are estimated and combined into a business case: the chip cost to manu-
facture; its yield; its design time; its design cost; and its market price. Incorrectly estimating any
of these factors can significantly impact the business case, sometimes to the point of jeopardizing
the entire project.
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FIGURE 13.9 The design closure flow.

Many trade-offs are made during this phase. The design is still at an abstract state, so changing
significant aspects is easy to do: changing die sizes; making the power design more robust; add-
ing or deleting RAMs, functional units, or changing the number of processor cores, to trade-off
power for speed, speed for area, and area for design time. The challenge is to estimate character-
istics of the design as accurately as possible, with only an inexact notion of what the design will
eventually look like. The aspects of the design that need to be estimated are as follows:

B Amount of logic: This is estimated, based on a number of factors, including the size
requirements of large reused components, for example, memory, embedded proces-
sors, 1/O circuitry, arithmetic functions, and other data path functions. The amount
of small gate-level glue logic is estimated by comparing with past designs, experience,
and technology insights. We can accurately calculate the required active logic area
from the logic count.

B Die size: This is derived from the active logic area by adding extra space for routing. First,
a target placement density is chosen. Then an area increase factor based on empirical
rules of routability is applied to the chosen placement density. The area increase factor
may be adjusted upward, based on the type of design. A densely interconnected struc-
ture, such as a cross-bar switch, will require additional routing area. The density can be
adjusted up or down by trading off design time. Higher densities can be achieved with
extra effort in manual placement. Finally, the limiting factor in die size may be the num-
ber of I/Os. For example, the die size of an extremely high pin-count design with simple
logic functionality will be defined by the I/O count.

B Defect-limited yield: This factor is calculated from logic count and the die size. Yield
prediction is based on empirical tables, which take into consideration logic density, die
size, and technology information, as shown in Figure 13.10.

B Performance: This is estimated by examining factors such as maximum logical path
length. In the absence of an actual design, the critical path length is derived by expe-
rience with similar designs, technology parameters, a priori knowledge of the perfor-
mance of embedded IPs, required I/O rates, and estimated interconnect delays based on
projected die size, voltage, and power limitations. Performance is a strong function of
voltage, so the voltage is set to achieve performance targets defined by system or market-
ing constraints.
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B Power: Dynamic power is estimated based on performance, supply voltage, technology
parameters, and empirical information about switching factors. Leakage power is esti-
mated based on logic count, technology parameters, supply voltage, threshold voltages,
and channel lengths. There are significant architectural levers that can affect the power.
For example, supply voltage or frequency scaling can be specified, and significant sub-
systems can be identified as candidates for clock gating and power gating.

B Package: Once the power is known, the package can be determined. Designers will
choose the cheapest package that supports the frequency of operation, power dissipa-
tion, I/O requirements, and mechanical constraints.

B Unit cost: This is derived from yield, die size, and package cost. Projected volumes from
marketing are also a factor in unit cost calculations.

In reality, the calculations are more complicated than this list implies. There are many trade-offs
that are made. For example, architectural accommodations can favor performance at the expense
of power and die size, such as adding additional arithmetic units to improve throughput. There
are trade-offs balancing area for yield by adding redundancy, such as extra word lines on array
structures. Likewise, adding error-correction logic trades off area for increased reliability. Design
effort is balanced against unit cost, time to market, performance, and power. The calculations
outlined earlier are made and revisited, as different trade-off decisions are made.

Platform-based design [15] allows for a much higher degree of accuracy of these early esti-
mates. This is where a design is made up of one or more reused large components including
processors, integer and floating-point arithmetic units, digital signal processors, memories, etc.

After all the trade-offs have been made, the product of the concept phase is an architectural
specification of the chip and a set of design constraints. These are fed forward to the floorplan
and logic design phases.

13.2.2 RTL LOGIC DESIGN

The logic design phase involves implementing the register transfer logic (RTL) description of the
chip based on the concept phase architectural specification. First, the specification is mapped
into a hierarchical RTL structure in as clear and concise a fashion as possible and the details are
filled in. Then the RTL is simulated against a set of test cases to ensure compliance with the speci-
fications. Because logic design and floorplanning are so intimately linked, the two steps generally
proceed in parallel with each other.
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FIGURE 13.11 Floorplan generated from RTL in Mentor Graphic’s RealTime Designer™. (From
Mentor Graphics, RTL synthesis for advanced nodes: Realtime designer, white paper, 2014. http://
www.mentor.com/products/ic_nanometer_design/techpubs/request/rtl-synthesis-for-advanced-
nodes-realtime-designer-87068.)

There are three main design closure aspects that are dealt with during the logic design phase: per-
formance, power, and routability. Because the design is so easy to change at this phase, mitigations
of problems in these areas are easy to implement. It is difficult to measure any of these parameters
directly from the RTL, which has not yet been mapped to gates, and is not yet placed or routed.
However, there are now tools that can provide a more accurate analysis with a quick pass through
floorplanning (see Figure 13.11), synthesis, global placement, and global routing [16]. The RTL logic
implementation is improved in further design iterations by feedback on the performance, power
consumption, and routability from subsequent design phases, such as logic synthesis and placement.

The design performance is improved at the RTL by identifying a set of critical paths and modi-
fying the RTL to reduce the logic depth. Reducing the amount of logic in a path is done by analyz-
ing the logic to identify portions that are not required, or which can be refactored to reduce the
logic depth. Owing to the hierarchical nature of design, there are often logical redundancies that
can be removed by restructuring the RTL hierarchy. Performance can also be improved by path
balancing or retiming; moving logic from one side of a long path’s source or capture latches or
flip-flops to the other.

There is also significant leverage for the mitigation of power issues at the RTL. The RTL can
be modified to use clock gating to save dynamic power by shutting off the clock switching to idle
portions of logic and power gating to save both active and standby power by switching off the
power to unused portions of the design. Both clock and power gating require careful attention to
ensure that gating signals are calculated correctly and arrive in time to allow logic to stabilize as
it comes out of its idle state.

The RTL can be simulated across a suite of typical usage scenarios to automatically identify
additional clock gating opportunities to reduce power consumption. This helped to achieve a
25% reduction in power consumption on AMD’s Jaguar core versus the previous design genera-
tion Bobcat, which had already been heavily clock gated [17]. Designers can better architect the
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RTL to specify clock gating enable signals that are not timing critical and can clock-gate more
logic. Synthesis tools can infer clock gating logic, but it is more fine-grained, providing less power
reduction, and may be limited due to timing criticality. In particular, the clock gating enable
signal must be stable when the clock is high, so the enable signal is captured by a negative phase
latch to prevent glitches (e.g., by using an integrated clock gating cell), and thus, the enable signal
must be generated within half a clock-cycle. An RTL designer can generate the enable signal from
logic on the previous clock cycle, avoiding timing problems.

In addition to these logical transformations, power/performance trade-offs can be made
by using frequency scaling or voltage scaling. In frequency scaling, portions of the design that
can run more slowly are segregated into more power-efficient lower-frequency clock domains,
while more performance-critical logic is assigned to higher-frequency, and therefore, higher-
power domains. Voltage islands allow a similar power/performance trade-off by assigning less
performance-critical logic to a lower voltage “island.” Using lower supply voltage reduces both
active and standby power at the cost of additional delay. Voltage islands also require level-shifting
logic that must be added to allow logic-level translation between circuits running at different
voltages. The granularity of voltage islands needs to be chosen carefully to ensure that the bene-
fits of their implementation outweigh their performance, area, and power overhead. Some designs
also utilize power gating with dynamic voltage and frequency scaling, adjusting the design per-
formance and cores that are operating based on the system load [18].

Routability can also be optimized during the logic design phase by identifying congested
regions. The RTL hierarchy can be restructured so that interconnected logic in a congested
region is in the same portion of hierarchy to allow better logical optimization and placement.
In extreme cases, this allows designers to hand-instantiate gate-level logic for the RTL and to
manually place it, which is particularly useful in regular dataflow or “bit-sliced” logic.

Owing to the enormous amount of simulation and verification time to ensure logical correct-
ness, logic design is the most time-consuming phase of the design closure flow and happens in
parallel with the rest of the flow. At regular intervals, the RTL is brought into a consistent state
(e.g., matching sets of I/O pins between logic blocks) to iterate through the rest of the design
flow. These trial runs give engineers responsible for subsequent steps, opportunities to tune their
recipes and timing budgets, and provide feedback to the logic designers and floorplanners about
factors such as timing critical paths, particularly those between logic blocks, and poor structure.

The product of this phase is a hierarchical RTL design and amended constraints. These are fed
forward to the final stages of floorplanning and the logic synthesis phase.

13.2.3 FLOORPLANNING

The floorplanning phase prepares a design for the placement of the standard cell logic and other
larger objects. Figure 13.12 shows the floorplan of a large ASIC design. Owing to their tight linkage,
floorplanning generally proceeds in parallel with the logic design phase. From the floorplan, rough
load capacitance values are calculated for global nets, which can be used to guide logic synthesis.

Design work in the floorplanning phase includes placing large macro objects; creating power/
ground grids; routing upper metal layers for clock distribution; and creating rows in the remain-
ing areas for the placement of the standard cell logic. Large objects consist of memory macros
such as register arrays, Random Access Memory (RAMs), and Content Addressable Memory
(CAMs); I/O macros with interface logic and wiring between the I/O cells and pads; large clock
buffers to drive the clock grid or clock trees; decaps; analog circuits such as phase lock loops; and
any hand-designed custom macro function blocks. In a hierarchical design, pin locations of sub-
hierarchy blocks are assigned as part of the floorplan, as are restricted placement areas. White
space may be reserved in the floorplan for different purposes: to instantiate repeater buffers on
global nets; to clone clock gaters and enable latches for leaf-level clock mesh distribution, aligning
with upper routing levels of the clock mesh; and for the placement of large sleep header or footer
cells for power gating, along with always-on logic and state retention flip-flops to preserve state,
when other logic enters sleep mode.

By establishing macro and I/O placement, floorplanning has a large impact on the intercon-
nect delay on critical paths. As interconnect scaling continues to worsen, the importance of
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FIGURE 13.12 ASIC floorplan showing large objects.

floorplanning is increasing. The major design closure aspects that are treated in this phase are
routability, performance, power supply integrity, and power.

The initial macro placement is guided by insights about their interconnectivity, expected
participation in critical paths, and their impact on routing congestion. A common method is to
place macros around the periphery of a design to reduce congestion due to these large obstruc-
tions. Narrow whitespace “channels” between macros, or between macros and the floorplan
boundary, can be troublesome for both routing and placement. For logic placed in such a narrow
channel, placement optimization may run out of whitespace to upsize cells or place buffers to
speed up a critical path. A keepout halo may be specified around a macro to avoid cross-coupling
noise from wires parallel to the macro [19] and to avoid logic being placed in the narrow chan-
nels. The floorplan is refined based on feedback from subsequent steps, such as insight into
critical performance and congestion issues from post-placement optimization, global wiring,
and timing analysis runs.

In this context, global wiring refers to routing of the longer wires across the chip, typically
across other blocks, rather than within a block or between neighboring blocks. If global wires are
too long to meet timing constraints, the floorplan may need to be changed to move those blocks
closer together, registers and storage buffers may need to be inserted, or other similar solutions.

Routability is the primary design closure consideration dealt with during the floorplanning
phase. The placement of the macros significantly affects the eventual congestion of the design.
Macros with a high degree of interconnection are placed close together, with central areas of
reduced placement density defined to accommodate the high wiring load—the classic example of
this is a cross-bar switch. There are a number of floorplanning tools that can provide assistance,
ranging from the simplest that give an abstract view of the macros, the glue logic, and their inter-
connectivity as in Figure 13.13 to virtual prototyping tools that do quick low-accuracy synthesis,
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FIGURE 13.13 Interconnectivity and logic size visualization tool.

placement, and routing and give almost real-time feedback. Later, feedback from the actual place-
ment and routing steps is used to adjust the location of the macros to reduce congestion.

Performance problems are also addressed during the floorplanning phase. The key action is
to place macros that have timing-critical connections close together. Initially, this is done with
a priori knowledge of the timing paths in the design. The floorplan is adjusted based on either
low-accuracy timing feedback from virtual prototyping tools or higher accuracy feedback
from timing runs, performed after placement and global wiring become available. Floorplanning
insights from these sources are used to drive restructuring of the RTL in the logic design phase
to keep clock domains and critical logic closer together.

Power supply integrity can also be addressed during the floorplanning phase. Decoupling
capacitors are placed to provide power supply isolation to reduce voltage drop, and decaps are
also used with clock meshes that have insufficient capacitance in the mesh itself to avoid voltage
drop due to significant simultaneous currents when the clock switches. Decaps may specifically
be placed around particularly noisy elements, such as CAMs and large clock drivers. The initial
power supply distribution is based on factors such as the location of chip power pins, power
requirements of large fixed objects, expected standard cell utilization densities, and locations and
sizes of voltage islands. Post-placement feedback is used to augment the power supply design if
necessary. If power density is estimated to be too high in certain areas, the placement density in
these areas may be reduced, or supply and ground rails in those areas may be widened, to meet
electromigration constraints.

Power is addressed indirectly during floorplanning. The most important power optimization at
this stage is the planning of the voltage islands introduced in the logic design phase. Each voltage
island requires the design and analysis of its own separate power supply and power pin routing.

During the floorplanning phase, there are a number of trade-offs that are made. Addition of
decaps or lowered placement density regions can cause extra wire length, which impacts per-
formance. Overdesign in the power distribution can significantly affect routability, which again
can impact performance. Finding the right design points among all these factors can often take a
number of iterations between floorplanning, logic design, and the subsequent design flow steps.
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The hand-off from the floorplanning phase is a detailed floorplan, including macro placements,
power grids, move bounds, pin assignments, circuit rows, I/O wiring, and amended constraints.
This floorplan is used both in physical logic synthesis and in placement.

13.2.4 LOGIC SYNTHESIS

The purpose of the logic synthesis step is to map the RTL description of the design to a netlist
rendered in library elements of the chosen technology, meeting the performance targets with the
fewest number of gates, as detailed in Chapter 2. The main design closure issues addressed in the
phase are performance, power, and area. First, the RTL is compiled into a technology-independent
netlist format. Then, this netlist is subjected to logical analysis to identify and remove redundan-
cies and balance cones of logic. Next, the optimized technology-independent netlist is mapped
into technology-dependent gates. Finally, the technology-dependent netlist is timed, and critical
timing paths are optimized to try to meet the delay constraints.

Because of the relative ease of running logic synthesis with different optimization targets,
designers use it to explore the design space to make the best performance, power, and area trade-
offs for their design. Logic synthesis applies a number of techniques to the technology-mapped
netlist to achieve the area, power, and performance goals. In order to do this, these factors need to
be measured: logic area is measured by adding up the sizes of the various gates; power is assumed
to be a function of gate size—reducing gate sizes reduces power. Measuring performance is more
complicated, and logic synthesis is the first phase to rely heavily on static timing analysis. As the
clock distribution circuitry has yet to be added, idealized clock arrival times are applied to launch
and capture clocks at registers. The logic synthesis step must also anticipate the impact of buffer
insertion that will be performed during and after placement to prevent interconnect delay from
being over estimated.

Since the standard cell logic gates have yet to be placed, wire load models were historically
used in the synthesis step to estimate the gate loads and wire delays to provide a reasonable
sizing and buffering solution in gate-level optimization after technology mapping. Wire load
models estimate the wire capacitance and resistance versus the number of fanouts. Wire load
models were based on chip size for a given technology and could be characterized for a particu-
lar design, once routed, to improve accuracy when next iterating through the design flow. There
are subtle interactions between the wire load—based parasitic estimation of the logic synthesis
phase and subsequent placement and pre-CTS placement optimization phases. If the wire load
models overestimate loading, then the power levels in the gates in the resulting design passed to
placement will be excessively large, with no real way to recover the overdesign. However, if the
parasitic estimation is optimistic, then optimization in this phase will not focus on the correct
problems. In general, erring on the side of optimism produces better results, especially with
the advent of truly effective timing-driven placement flows. Chips were synthesized with zero
wire load models for local signals, and load estimates for global signals were derived from the
floorplanning step.

As wire loads and delays have became more significant, physical synthesis improved the accu-
racy by including global placement of the gates, with wire load capacitance and wire RC delay
estimated from a Steiner tree for a wire’s connectivity. Newer approaches to logic synthesis
interleave quick floorplanning, global placement, and global routing, with resynthesis from
RTL to rapidly achieve production quality synthesis results, as in Mentor Graphics’ RealTime
Designer™ [16]. RTL optimization can remap the logic to different structures, providing wider
opportunities to close timing than can be achieved in gate-level optimization. Whether from
RTL or at a gate level, resynthesis can fix timing critical paths or severe routing congestion that
may only become apparent after placement or routing steps—these can be fixed, respectively, by
reducing logic depth and by remapping to more complex cells to reduce pin count.

There are a number of environmental factors that need to be set in synthesis to guide static
timing analysis, such as voltage and temperature, based on information from the concept phase,
and guard banding for manufacturing variation and reliability factors such as HCI and NBTL
Performance is measured using incremental static timing analysis, and transforms that trade off
area, performance, and power are applied.
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FIGURE 13.14 Timing-slack histogram.

The basic approach to reducing power consumption and minimizing standard cell area is
reducing gate sizes in a sub-step in the design flow, where all the gate sizes in the design are
resized. This includes reassignment of transistor threshold voltages and channel lengths where
permissible to trade off leakage power versus performance. In addition to gate-level optimization
in the synthesis step, area minimization may be used at other steps in the design flow, including
for very similar objectives such as leakage power, dynamic power, and maximum utilization.

Critical paths are individually timing corrected using a slack-take-down approach, sometimes
referred to as WNS optimization. Critical paths are ordered from the worst negative slack (WNS)
to the least. The worst timing path has one or more timing optimization transforms applied to it,
improving it “toward the good” on the critical path list (see Figure 13.14). The process loops back
to create a new ordered list of bad paths for further optimization to progressively improve WNS.
Timing paths may be grouped for WNS optimization to attack the worst path in each group,
rather than just focusing on the single worst WNS path across the design.

This slack-take-down is repeated until all paths meet the performance constraint, or there are
no more optimizations that can be applied to the top critical paths. Further timing optimization
may be performed on some of the worse timing violations to reduce total negative slack (TNS).
The WNS and TNS optimization approach is used extensively in the subsequent design closure
phases. A short list of some of these optimizations used to improve timing on the critical path
includes the following:

B Retiming of logic across register boundaries to balance the amount of logic between
registers.

B Rewiring where timing critical signals are moved “later” further toward the sinks in a
cone of logic to reduce the overall path delay.

B Refactoring where a group of logic is mapped back into technology independent form
and then resynthesized to preferentially shorten the logic depth of a critical path.

B Cloning where a section of logic is replicated to allow logical fanout to be divided over
more drivers.

B Repowering where a logic function is replaced by a similar function with higher drive
strength. (Repowering used the other way, to reduce gate sizes, is the work horse trans-
form for both area reduction and power mitigation in the logic synthesis phase.)

The first time that accurate gate count and timing are available in the logic synthesis phase is
after technology mapping. Previous phases have all relied on gate count and timing estimates.
Surprises encountered when these numbers become available cause looping back to the floor-
planning phase to reallocate space due to excess logic, or to reposition floorplanned elements for
performance reasons, or to go back to the logic design phase for various area and performance
mitigations available in that phase.
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The output of the logic synthesis phase is an area, performance, and power optimized technology-
mapped netlist. This is combined with the floorplan and the most recent updated list of con-
straints and passed onto the placement phase. Physical synthesis tools can now also provide the
global placement therein, as a seed to the placement step to improve design convergence.

13.2.5 PLACEMENT

The purpose of the placement phase is to assign cell locations that shorten timing-critical wires
and minimize wiring congestion, as detailed in Chapter 5. Figure 13.15 shows the placement of a
small portion of a larger ASIC design.

Until recently, placers solved congestion and performance problems by creating a minimum
wire length placement—both min-cut or quadrisection placement techniques provide good
results. As interconnect delay has become more dominant, it has become necessary to make the
placement flow more timing driven.

An effective timing-driven placement flow involves two placement passes: global placement
and detailed placement. Before the global placement, the design is preprocessed to remove arti-
facts such as buffers on large-fanout nets, repeaters on long nets, and scan and clock connections,
which may bias the placement improperly. Then, a timing-independent congestion—mitigation
placement is run. Next, a series of timing optimizations including gate sizing, buffer tree inser-
tion, and long wire buffering are performed. These optimizations require the analysis of only slew
and capacitance violations. Resized gates and new buffers and repeaters are added to the design,
without regard to legal placement constraints.

The design is then timed, using ideal clocks and interconnect delays calculated from Steiner esti-
mates of wire topology. The timing problems that are identified are the “hard” problems that need
to be fixed by the timing-driven detailed placement. A set of attraction factors, or net weights, are
then calculated, which bias the placement engine to move timing-critical objects closer together.
These net weights are used to guide an incremental detailed placement of the optimized design.
Finally, scan chains are reconnected and reordered (see Figure 13.16), and well taps are added.

FIGURE 13.15 Logic placement.
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(2) (b)

FIGURE 13.16 Register scan chain connectivity from scan stitching in synthesis (a) and with
scan reordering after placement (b), as shown in Mentor Graphic’s RealTime Designer™. (From
Mentor Graphics, RTL synthesis for advanced nodes: Realtime designer, white paper, 2014.
http://www.mentor.com/products/ic_nanometer_design/techpubs/request/rtl-synthesis-for-
advanced-nodes-realtime-designer-87068.)

A key point in this timing-driven flow is the stability of the placement algorithm. A small change
in the input to the placement engine, such as adding attractions between a small percentage of the
objects being placed, must generate a small change in the result. If this is not the case, although
the timing-driven placement will have pulled the timing-critical objects from the first placement
closer together, a completely new set of timing problems will manifest themselves. This same sta-
bility can help limit the disruption caused by late engineering change orders (ECOs) to chip logic.

Another key consideration in placement is design hierarchy. All of the previous design steps—
concept, logic design, floorplanning, and logic synthesis—rely on hierarchy to limit problem
complexity. At the placement stage, it is possible to either keep the logic design hierarchy or flatten
it, whether partially or fully.

Let us pause to quickly overview what is typical in a logic design hierarchy and the limita-
tions that hierarchy imposes. Top-level RTL for a design of millions of gates typically comprises
quite a few blocks that may range in size from 50,000 to 500,000 gates, such as a floating point
unit. These large modules may comprise various subblocks for functional units, control logic, etc.
Some subblocks may be further subdivided and may include small hand-crafted RTL modules for
specific logic, register banks, and so forth. Logic optimizations permitted across hierarchy are
typically limited to buffering, inversion, and port-punching (adding new I/Os in intermediate lev-
els of hierarchy) for scan and buffering. Inversion and port-punching may or may not be allowed,
depending on any intended reuse of the sub-module. Refactoring and other powerful optimiza-
tion techniques are not permitted across logic hierarchy, which is also a necessary limitation for
formal verification versus RTL at the module hierarchy level.

Voltage regions and power-gated portions of the design usually correspond to logic hierarchies
that have particular voltage requirements to achieve a given performance, or to reduce power, or
can go into standby or sleep states at a given time. Coarse clock gating is also generally done at a log-
ical hierarchy block level. As there are particular power supply and clock distribution requirements
for these design portions, it is common to maintain some intermediate level of hierarchy for them.

If the hierarchy is kept, each hierarchical unit is placed separately, and then the units are com-
bined to form the chip. Retaining all or some of the hierarchy allows better parallelization of
design effort, easier reuse of design, and faster incorporation of design changes. Certain designs
blocks, for example, shader blockers in a graphics processor, may be replicated across the top-level
chip to minimize design effort, maintaining the same cell placement, sizes, wiring et al. through
to post-route optimization. Hierarchy is a natural way to keep the highest-frequency portions of a
design physically compact, which can help reduce clock skew therein. For better area usage and to
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reduce wire length between cross-hierarchy interconnected logic, placement tools may be permit-
ted to ignore logical hierarchy when placing cells, but this prevents the reuse of the physical design.

In flat design, the borders between some or all logical hierarchies are dissolved, and the
flattened logic is placed together. Generally, flattening a design allows a significantly better
optimization of performance and power during placement and subsequent design steps and
requires less manual effort. It should be noted that some flat placement flows provide some form
of move bounds mechanism to manage the proximity of the most performance-critical circuits.
The debate on advantages and disadvantages of flat versus hierarchy continues in the industry
and is worthy of its own chapter.

The output from the placement phase is a placed and sized netlist—including buffers, repeat-
ers, and well taps—which is passed to the pre-CTS placement optimization phase.

13.2.6 PRE-CTS PLACEMENT OPTIMIZATION

The purpose of the pre-CTS placement optimization phase is to apply placement, timing, and
congestion-aware transformations to the logic to fix critical setup timing paths and power problems
left over from the placement phase. The timing-driven flow outlined in the placement phase is excellent
at localizing large numbers of gates to solve general performance and routability problems. However,
after the placement phase, there remain performance-critical paths that need to be fixed individu-
ally. In addition, local power and routability issues are considered while making these optimizations.
This phase has two steps. First, electrical problems such as maximum input slew violations at signal
sink pins and maximum load capacitance violations at output pins are corrected. These problems are
fixed by gate sizing, buffering of large fanout nets, and repeater insertion. Second, the design is timed
and optimized, using the slack-take-down WNS and TNS optimization approach.

The timing environment includes using ideal clocks, worst-case setup timing rules, and wiring
parasitics extracted from Steiner wires or global routes. This is the first place in the design closure
flow where useful information about spatially dependent power-supply IR voltage drop is avail-
able—this information is applied to the timing model where it is used to adjust individual gate
delays. Feedback from this analysis can be used to guide redesign of the power supply routing.

The logic optimizations used in the second step are similar to the WNS and TNS timing opti-
mization transforms, mentioned in the logic synthesis phase. They are augmented in placement
optimization to also consider assignment of locations to changed gates, impact to placement den-
sity, and wiring congestion. When logic is modified at this step, its placement must be legalized
to a legitimate nonoverlapping placement site. This generally involves moving nearby logic as
well, which can induce new timing or congestion constraint violations. These new violations are
queued to be optimized. The step is complete when no more resolvable violations exist. An impor-
tant part of this phase is the tool infrastructure that allows for the incremental analysis of timing
and congestion, caused by simultaneous changes to the logical netlist and the placement (see
Section 1.4.3 for more details). As the placement changes, previously calculated interconnect
delays are invalidated, and when new timing values are requested, these values are recalculated
using Steiner tree or global routing estimates of the new routing topology. To measure conges-
tion, an incrementally maintained global routing congestion map is used.

Routability can be affected in a number of different ways in this phase. Routing congestion
information is used to assign lower placement densities in overly congested regions. As trans-
forms are applied and logic moves, the regions with a lower density limit are avoided, mitigating
congestion. This can impact timing, as gates that cannot be placed in their optimal locations,
due to placement density constraints, are placed further away. Similarly, upsizing and buffer-
ing of timing critical paths to speed them up can also be limited by the available area nearby.
Another method of congestion mitigation is via congestion avoidance buffer placement, guiding
the routes that long nets take by placing the repeaters along those nets in less congested regions.
Figure 13.17 shows a post-placement chip routability map.

Power and area can be recovered at this stage with the application of gate resizing. Despite the
fact that the bulk of placement is already done, reducing the gate sizes wherever possible provides
additional space for subsequent changes and additions and reduces power. Also, at this point,
there is enough accuracy in the timing to optimize the choice of the cells’ transistor threshold
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FIGURE 13.17 Chip routability map.

voltages. A gate may be swapped to another cell with a different threshold voltage that has the
same logical function and footprint of its standard threshold voltage counterparts. High thresh-
old voltage logic can be used to reduce leakage power at the cost of increased delay—off-critical
path standard threshold voltage gates can be replaced with their high threshold voltage equiv-
alents. Particularly timing critical paths can be swapped to low threshold voltage logic at the
cost of higher leakage power. Figure 13.18 shows a delay comparison between low and standard
threshold logic. These substitutions are done generally by sequentially substituting logic on the
most critical paths, until all timing violations are resolved, or until the amount 