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Preface

Everything should be made as simple as possible, but no simpler.
Albert Einstein (1879-1955)

As the most common approach for realizing accurate and linear analog signal pro-
cessing (ASP) in metal-oxide semiconductor (MOS) integrated technologies,
switched-capacitor (SC) circuit techniques have dominated the design of high-quality
monolithic filters since the 1980s. The incomparable technological adaptability shown
by SC circuits has furthermore made them the competent candidate appropriate for a
rich variety of applications such as instrumentations, digital audio, wireless communi-
cations, power management, and sensors. This near ubiquity is perhaps the aspect of
SC circuits that intrigues circuit designers and engineering students the most.

This book presents a unified text that deals with the basic concepts as well as
advanced design methodologies of SC circuits. To achieve this goal, the book pro-
vides a systematic treatment of each selected subject with the help of technically
proven circuit examples. Thus, numerous practical design examples have been
included; however, this book is not a plain survey. A conscious effort has been made
to choose a well-connected set of topics that are worthy of detailed treatments. While
some quantitative analyses are necessarily presented to reveal the underlying ideas,
an effort is made to avoid entangling the reader in tedious mathematical equations.

This book is intended for industrial practice as well as classroom adoption. In
both cases, it is expected that the reader has been exposed to basic theories of dis-
crete-time signals and systems such as Laplace-transform, z-transform, and the
concept of s-to-z mapping. Additionally, the reader should be familiar with basic
MOS transistor modeling such as the small-signal analysis and single-transistor
amplifiers like common-source, common-gate, and source follower.

xi
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In preparing the syllabus for a senior-year undergraduate or first-year graduate
analog integrated circuit course, this book can be listed as a supplement to a more
exhaustive textbook. For entry-level design engineers or circuit hobbyists, this book
can be used as a tutorial. The materials provided in this book can also be tailored
for internal training, short courses, or product seminars. For more experienced
engineers, this book may serve as a designer’s handbook, offering fruitful technical
discussions and extensive bibliographies for carrying out further investigations.

The book has eight chapters and is outlined as follows.

Chapter 1 emphasizes the basic physical behavior of MOS transistors, metal-
oxide semiconductor field-effect transistor (MOSFET) switches, and MOSFET
capacitors. It is intended as a review of basic principles rather than an in-depth
treatment of advanced device physics topics.

Chapter 2 discusses the fundamental aspects of two-stage operational amplifiers
(op-amps). The basic analysis of op-amp compensation is provided, and cascode-type
op-amp topologies such as telescopic and folded-cascode op-amps are investigated.

Chapter 3 examines the fundamental building blocks of SC circuits. The advan-
tages of SC resistor simulations over physical diffused resistor implementations are
discussed. The chapter also describes the parasitic capacitances’ effects on SC cir-
cuits and presents parasitic-insensitive SC configurations. The design issues of the
SC integrator, sampled-and-hold, interpolator, and decimator are detailed. Finally,
the discussion explores the signal-flow graph (SFG) analysis of SC circuits and
introduces the Mason’s rule.

Chapter 4 describes the fundamental aspects of active SC filters (SCFs). The
cascaded design of high-order SCFs is demonstrated through a step-by-step design
example of a sixth-order elliptical low-pass SCE. Also, high-frequency complemen-
tary metal-oxide semiconductor (CMOS) SCFs are introduced.

Chapter 5 focuses on CMOS data converters by presenting a number of impor-
tant performance parameters for specifying integrated analog-to-digital converters
(ADCs) and digital-to-analog converters (DACs). The effects of capacitor mismatch
on SC data converters are discussed, and mismatch error cancellation techniques are
introduced. Various ADCs—including flash, two-step, pipelined, cyclic, successive-
approximation, and delta-sigma (AYX) ADCs—are investigated.

Chapter 6 exploits a relatively new topic—the design of SC direct-current-to-
direct-current (DC-DC) converters. A few practical step-up converter topologies
such as the Dickson charge-pump and cross-coupled are presented. An overview of

xii
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the existing SC step-down DC-DC converters is provided. Finally, the chapter inves-
tigates the principles of multiple-gain SC step-down-step-up DC-DC converters.

Chapter 7 investigates two major challenges that are of immediate relevance to
modern switched-capacitor circuits. One is to design high-performance SC circuits
in the presence of a low power supply voltage (V, < 1.5V), and the other is to
reduce the effect of the imperfections (or nonidealities) of operational amplifiers on
SC circuits.

Chapter 8 presents the top-down design of a delta-sigma (AX) modulator suitable
for multistandard radio-frequency (RF) signal receptions. The transistor-level circuit
implementation of the modulator is detailed, and the postfabrication measurement
results are provided.

As mentioned earlier, an extensive bibliography accompanies each chapter,
allowing the reader to trace the original treatment of each topic.
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CHAPTER

Basic MOS Device Physics

1.1 Introduction

This chapter focuses on the fundamental aspects of metal-oxide semiconductor
(MOS) device behavior that are of immediate relevance to practical integrated circuit
(IC) design. It is intended as a review of basic principles rather than an in-depth
treatment of advanced topics.

Chapter Outline

This chapter is organized as follows. Section 1.2 describes the fundamental

aspects of MOS transistors. The basic properties of MOS switches are discussed

in Section 1.3. The behavior of the MOS device as a capacitor is discussed in Section
1.4.

1.2 MOS Transistors

Basic Operation

Perhaps the most widely adopted process technologies in today’s IC industry are
those that use metal-oxide semiconductor (MOS) transistors. A MOS transistor can
also be referred to as a metal-oxide semiconductor field-effect transistor (MOSFET).
Other acronyms are MOST (for MOS transistor) and IGFET (for insulated-gate field-
effect transistor). The term metal in the acronym MOS indicates that the transistor’s
gate is made of metallic materials such as metalsilicon. Nowadays, heavily doped
polycrystalline silicon (also known as polysilicon) is usually chosen over metalsilicon
because polysilicon can be aligned and scaled with higher geometric precision,
resulting in smaller and faster transistors.
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There are two complementary types of MOS transistors: N-channel MOS
(NMOS) and P-channel MOS (PMOS). NMOS transistors use electrons to deliver
charge in the presence of a positive gate voltage, while PMOS transistors use holes
(which are equivalent to positive carriers) to conduct current in the presence of a
negative gate voltage. Be it of NMOS or of PMOS type, each MOS transistor is a
unipolar device, meaning there can be only one type of carrier (electrons for NMOS
and holes for PMOS) traveling in the channel.

If a bipolar MOS device is desired, we can incorporate both NMOS and PMOS
transistors onto the same monolithic chip, resulting in what is called a complemen-
tary MOS (CMOS) circuit. In practice, there are three different types of CMOS
processes: local-oxidation-of-silicon (LOCOS) process, shallow-trench-isolation (STI)
process, and silicon-on-insulator (SOI) process. The latter two are known for their
immunities to the latch-up problem [1]. In this book, we discuss the CMOS transis-
tors that are realized in the LOCOS process only.

A conceptual cross-section diagram of a typical NMOS transistor implemented in
a LOCOS-type CMOS process is shown in Figure 1.1.

In the NMOS transistor, the two heavily doped N+ regions are the source and the
drain, respectively. They are diffused into a slightly doped semiconductor body
called the P-substrate. The distance between the source and the drain is called the
channel length, which is denoted as L in the diagram. It may also be referred to as

Source

N+

) . N+
Depletion region
Depletion Depletion
region region

P-Substrate (Body)

Figure 1.1 Cross-section diagram of an NMOS transistor.
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the effective gate length and is typically shorter than the physical gate length. In
comparison with the NMOS transistor, the PMOS transistor is normally fabricated in
an N-well pocket. The N-well is not a substrate, but rather an isolated region of
higher surface concentration with relatively more free carriers as compared to the
P-substrate.

A layer of silicon dioxide (SiO,) is grown beneath the gate to physically isolate it
from the remaining regions in the transistor. In an ideal situation, no charge is leaked
from the gate into the channel. However, in reality, when a varying signal (e.g., a
clock signal) is applied to the gate, a transient charge is coupled into the channel
through the small-signal capacitance that resides between the gate and the channel.
Additionally, the gate-source capacitance (C,,) and the gate-drain capacitance (C,,)
result in more charge leakages. This phenomenon is called clock feedthrough, and its
effect becomes more pronounced when the transistor is placed at the input of an
open-loop amplifier. In such a case, the input offset caused by the charge leakage
may saturate the amplifier.

Once the transistor is turned off, the residual charge stored in the channel is
dispersed through the drain and the source to elsewhere in the circuit. This phenom-
enon is known as charge injection, which introduces signal-dependent errors to the
circuit. The mechanism of charge injection is treated later in this chapter.

As shown in Figure 1.1, the source, drain, and P-substrate of the NMOS transis-
tor are all connected to ground. When the gate voltage (V,) is below zero (i.e., V,, <
0), positive carriers (P+) accumulate in the region under the gate and the dioxide
layer, which is called the accumulation region. When V,, is of a sufficiently large
positive value, negative carriers such as electrons take over this region and form a
channel connecting the drain and source regions. In other words, the accumulation P-
region doped with (P+) carriers is converted into an N-region consisting of negative
carriers. Hence, the channel is inverted, and the transistor is said to be working in
the inversion region.

Then the question arises: What is the minimum positive value of V,, for which an
inverted channel can be formed between the drain and the source? The appropriate
response to this question leads to the threshold voltage, which is commonly denoted
as V, (or V,,, for PMOS transistors). That is, when V,; > V,,,,, the device enters into
the inversion region. The result of subtracting V,,,, from V,, is usually called the
effective drain-source voltage and denoted as V,,. When 0 < V,; <V, or equiva-
lently, V,; < 0, both holes and electrons have low density levels, and the transistor is
said to be operating in the depletion region.
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When V,, >V, the connection between the drain and the source is formed.
However, to allow current to flow from the drain to the source, the drain-source
voltage (V,,) must be larger than zero. It can be shown that the drain-source current
(1;) gradually increases with V,, and for a small V,, (0.1 V < V,; << V,), the relation-
ship between I, and V, is given by

W
Id::u“ncox Z(Vgs_‘/thn)'vds (11)

where 1, is the electron mobility near the silicon surface (the skin effect [1] is negli-
gible since we assume a low frequency configuration here), C,, is the gate capaci-
tance per unit area, W is the gate width, and L is the effective channel length. The
transistor is now working in the weak inversion region. When V,, < 0.1V, the transis-
tor is said to be working in the subthreshold region.

It can be shown that for a moderate V,, (0.5V,; < V,, < V,p), the relationship
between I, and V,, is approximately given by

W V2
Id::uncox T|:(Vgs_‘/thn)'vds_7d:| (12)

The transistor is now working in the triode region. Finally, once V,, reaches V., the
pinch-off condition [2] is satisfied, meaning beyond this point /, remains constant (to
a first-order approximation) with respect to V. At the pinch-off point where V,, =
V. the resulting I, ~ V,; relationship is given by

2
I _/JC E(Vgs_‘/lhn) _ Ev_di
i= _—

= 1.3
n="ox L 2 ILLI’l ox L 2 ( )

This is known as the square-law I-V characteristic. The transistor is said to be
working in the active (or saturation) region.

The transconductance (g,,), which is commonly used in the small-signal model
for a MOS transistor working in the active region, is defined as

_dl,
&”8%s (1.4)

In the active region, the transconductance can be obtained based on Equation
(1.3)

oI,
IV,

m

W w
:uncux f(‘/gs_‘/thn): ,u,,Cvx Z‘/eﬁ (15)
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The transconductance can also be expressed as

[ w 21,
= 2 P = —
8m u,C,. 3 1, v, (1.6)

Interestingly, Equation (1.6) indicates that g,, can be determined by the ratio of
the drain current (/,) to the effective gate-source voltage (V,;). What’s more, it is
possible to make the transconductance be independent of the value of (W/L) as long
as that ratio is kept as a constant. Hence, to a first-order approximation, the scaling
of the transistor geometry does not affect g,,. This is a desirable feature because the
voltage gain and accuracy can be maintained while the device is being downscaled
(however, this argument does not hold in submicron processes where the short-
channel effects become prominent).

Also, from Equation (1.5) we realize that for a given transistor in a given process,
the value of g,, is controlled by the gate-source voltage (V,,). Qualitatively speaking,
this property is appropriate for analog MOS amplifiers where the linearity perfor-
mance is reflected by how cohesively the intrinsic gain (i.e., g,R,.,, where R,,, is the
output impedance) tracks the change in V, of the MOS transistor.

In the triode region, the transconductance is obtained based on Equation (1.2),

I, w
= = nCmc - V s 17
oV, HnCox =~ Va (L.7)

m

where V,; < V.. Since V,, is not governed by V,;, the value of g, does not accurately
reflect the change in V,,; consequently, the linearity of the analog amplifier is
degraded as compared to the situation where the transistor is operating in the active
region. As a result, in many analog applications where a good linearity is required,
all the MOS transistors in the signal path should operate in the active rather than the
triode region. By contrast, in digital circuits that make use of MOS transistors to
realize digital logic gates, linearity is usually not a concern; thus, the transistors may

operate in either triode or active regions, depending on the desired logic function.

Scaling of MOS Transistors

Propelled by the nonstopping advancement of lithography and implantation technolo-
gies, the minimum feature size of a MOS transistor has been continually reduced
since the 1980s, enabling the unprecedented success of digital CMOS circuits and
doubling the system-on-a-chip (SOC) computing capability every 18 to 24 months,
which is known as Moore’s law.



Demystifying Switched-Capacitor Circuits

In addition to a higher level of system integration and lower cost, the continual
downscaling of MOS transistors brings about a significant increase in the cutoff
frequency (f;) of the MOS transistor, opening an avenue to achieve high-speed/high-
frequency integrated systems using a pure CMOS technology. Specifically, the cutoff
frequency f; is normally defined to be the frequency at which the transistor’s current
gain is unity. It can be shown that f; of a typical NMOS transistor is given by the
following expression [3]:

f: gm :3‘un'(vgs_‘/thn)
" 2m(Cy,+C,) 4AmLI

Thus, £, is proportional to 1/L*.

(1.8)

However, as the value of L continues declining, various short-channel effects
become prominent. A common result of these effects is that the transistor enters into
the saturation region before V,, becomes sufficiently large (i.e., before the pinch-off
condition is met) [4]. For instance, the electric field between the source and drain
regions is strengthened due to the shrunk device geometries, which in turn constrains
the velocity of the carriers traveling in the channel. Consequently, the saturation
drain current (/,) is smaller than that given by Equation (1.3), and the I-V relation-
ship no longer follows the square law. This particular phenomenon is called velocity
saturation, which is one of the dominant short-channel effects. It can be shown that
in a short-channel MOS device, velocity saturation tends to minimize the dependence
of 1, on L [3], and since V,, is not controlled by L, the transconductance (g,,) eventu-
ally ceases to depend on L as well. In such a case, as it is known that both of the
small-signal capacitances in Equation (1.8), C,; and C,,, are typically proportional to
the gate area (i.e., WL), we can thus see that in a short-channel MOS device, f; is
inversely proportional to L rather than to L*.

The loss of critical device characteristics (e.g., the square-law I-V relationship)
due to aggressive device downscaling hampers the technology portability of CMOS
circuits, which means the circuits designed in an older CMOS technology with
longer channel length may not function properly in a present or future technology
with shorter channel length, making a process-independent design seem incremen-
tally impracticable. Reduced transistor geometries also further complicate the statisti-
cal approximation of many device parameters, posing a major challenge in the
research area of MOS device modeling [5].

There are many other short-channel MOS device effects, including oxide break-
down, drain-induced barrier lowering, hot carrier effect, and punch-through [3][5].
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In addition, second-order phenomena that are relevant to both long-channel and
short-channel MOS devices, such as channel-length modulation and subthreshold
conduction, should not be ignored in practice. Due to the space constraint, the
detailed analyses of the aforementioned effects are not included in this book, and the
reader is encouraged to explore them in the references. A brief discussion on an
important second-order effect called the body effect can be found in Chapter 6,
where the SC Dickson DC-DC converter is treated.

1.3 MOSFET Switches

Switch On-Resistance

In a switched-capacitor (SC) circuit implemented in a CMOS technology, the switch
may be realized one of three different ways: by using an NMOS transistor, a PMOS
transistor, or a CMOS transmission gate that contains two complementary transistors
(i.e., one NMOS and one PMOS).

To turn an NMOS switch on, the clock signal on its gate goes up to the supply
voltage (V,,), and the resultant (V,, — V,,,) becomes larger than V. Thus, the transis-
tor is working in the triode region, and the relationship between 7, and V,, can be
expressed by Equation (1.2). Ignoring the body effect, we can derive the transistor’s
equivalent drain-source resistance (i.e., the switch on-resistance) by dividing V,, by
1,, and we have

v, 1 1

R, = ]ds = W 7 = W (1.9)
‘uncox (Vgs - ‘/tlm - 2A) ‘uncox Z(Vgs - ‘/thn)

L
Here, the approximation is based on the assumption that (V,, — Vy,,) >> V,,, and
the switch can be modeled as a resistor. By revisiting Equation (1.1), we find that as
the clock signal applied to the NMOS transistor’s gate approaches V,,, the reasoning
through the preceding equation becomes altogether sound.

It is of practical interest to get a rough feel of the numerical value of the switch-
on resistance (R,,), which often turns out to be relatively large in many processes.
For example, if it is assumed that V,, = 3.3V, V,, =1V, u,C,. = 30 uA/V?*, (W/L) = 1
and V,,, = 0.7V, then based on the preceding equation we obtain a R,, of about
21 kQ. If the body effect is accounted for increasing the threshold voltage, then a
larger switch on-resistance will occur. Additionally, the value of R,, increases with
the input signal level. For instance, if we let V,, = 2.5V in the preceding case, then
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the value of R,, becomes as high as about 333k€2. Such a high resistance results in
an impractically long settling time needed to charge the capacitor and is unaccept-
able in most SC applications. For a typical PMOS transistor, the value of u,C,, is
approximately one-third that of u,C,, for its NMOS counterpart; therefore the
PMOS transistor is less attractive when it comes to realizing a switch of low
on-resistance.

The CMOS transmission gate is a better candidate than both NMOS and PMOS
transistors in terms of reducing the on-resistance. This makes intuitive sense since
the turned-on CMOS transmission gate can be considered as a parallel configuration
composed of two resistors, R,,, (for the NMOS transistor’s on-resistance) and R,
(for the PMOS transistor’s on-resistance), apparently on the assumption that both
NMOS and PMOS transistors are turned on at the moment. What’s more, as long as
the supply voltage (V,,) is larger than the sum of the absolute values of the PMOS
and NMOS threshold voltages, at least one of the transistors will be on when the
clock signal goes to V,,, regardless of the input signal level (V;,). However, as we will
see in Chapter 7, when this condition is not satisfied, which is often the case in low-
supply-voltage applications, additional components or circuit blocks are needed to
ensure that the switch be turned on when the clock signal goes to V.

kT/C Noise

As mentioned earlier, during the “on” phase, the switch can be modeled as a resistor
whose resistance value is given by Equation (1.9). The equivalent thermal noise of
this resistor (R,,) has a one-sided, white-noise-like power spectral density of [6]

V2

Af
where k is the Boltzmann’s constant (1.38 x 10 JK™), and T is the sampling clock
period. As the switch is primarily used in a sampling network where a sampling
capacitor (C,) is charged by the input signal through the switch during the “on”

phase, the thermal noise is processed by a first-order low-pass filter composed of R,,
and C,, whose transfer function is given by

= 4KkIR,, (1.10)

1
H(jo)=——F—7— 1.11
o) = or.C, (10
Thus, the total noise power at the filter’s output is computed by integrating the
filtered (or bandlimited) noise power spectral density from dc to infinity, and we
have
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1 ¢~ 4kTR
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= C.
hence the name k7/C noise (sometimes also called the sampling noise). Interestingly,
the total noise power at the output is independent of the actual on-resistance value

(R,,). This is because when the thermal noise power density is increased with the on-

resistance (R,,), the noise bandwidth of the filter, which is given by

1 1

Jn= f M2 28R, C. 4R, C. (1.13)

on=—s

is decreased with the same magnitude. Specifically, the total noise power can be
easily calculated by multiplying the spectral density given by Equation (1.10) by the
noise bandwidth noted earlier, and we have

. 1 kT

f AkTR,, -
4R, C C

on N

out

(1.14)

which is the same as the result given by Equation (1.12). Furthermore, for a given
value of R,,, the total output noise power is decreased with the clock period 7. That
is, if the signal is oversampled by a factor of M, then the resultant k7/C noise power
is also reduced by a factor of M. As we will see in Chapter 5, in a similar manner,
oversampling (i.e., sampling at a rate much higher than the Nyquist rate) is useful for
suppressing the white-noise-like quantization noise of an analog-to-digital data
converter (ADC).

Charge Injection

When a MOS switch is on, it operates in the triode region and has a very small
voltage drop across the drain and source. When the switch is turned off, a finite
amount of residual charge in the inverted channel underneath the gate is dispersed
into the drain, source, and substrate. It can be shown that the charge injected into the
substrate becomes more pronounced when either the turnoff slope of the clock
waveform is close to infinite or the transistor channel length is very long [7], both of
which seldom happen in practical SC circuits. Thus, we ignore the effect of the
substrate charge leakage in our discussion here.
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If the switch is used for sampling an input signal (e.g., in a sample-and-hold), the
charge injected into the input junction (when the switch is turned off) has no effect
on the held voltage, and hence it can also be ignored. However, the charge that flows
in the opposite direction is not negligible for it introduces an error to the held
voltage. How the total channel charge is divided between the source and drain of the
switch is a device-modeling question, which involves multiple parameters such as the
clock turnoff slope, the ratio of the input capacitance to the output capacitance (C;,/
C,..), and the drain-source voltage (V) [8]. The basic idea is that when the clock
waveform has a steep turnoff slope, the channel is cut off before V,, gets a chance to
weigh in; consequently, the channel charge is equally divided between the drain and
source terminals. On the other hand, a slow falling clock signal gives rise to a
capacitive voltage divider where V,, distributes the channel charge based on the
capacitor ratio (C;,/C,,,).

Although it is seldom possible to have the clock signal fall off fast enough so that
exactly one-half of the channel charge is injected into each terminal, in crude pencil-
and-paper calculations it is usually assumed that the charge could be equally divided.
Based on this assumption, various techniques have been reported to compensate the
charge injection that flows away from the input. The use of a CMOS transmission
gate is one option, but it usually requires the input signal to stay at or near V,,/2.
Figure 1.2 shows an alternative charge injection compensation configuration where a
dummy switch is added next to the main switch [9]. As shown in Figure 1.2, the size
of the dummy switch is set as one-half that of the main switch, and the dummy’s
drain and source are shorted. According to the preceding discussion, when the main
switch is turned off, half of the channel charge flows through the dummy switch
toward the hold capacitor (C;). Note that the signal applied to the dummy’s gate is
complementary to clk, and also, it should be slightly delayed as compared to clk so
that when the dummy is turned off, the main switch is already on, and as a result,
the injected charge by the dummy will be overpowered by the input signal (V,,),

Figure 1.2 Use a dummy switch to compensate charge injection.
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thereby having no effect on the output voltage (V,,,). As clk falls, a channel is formed
under the dummy’s gate despite the shorted drain and source. Ideally, the charge
injected by the full-size main switch would be canceled out by the intrinsic channel
charge (with a polarity opposite to that of the former) induced by the half-size
dummy. However, in reality, the size ratio of “1/2” rarely works out to be the
optimum required for achieving the perfect charge injection cancellation, due to
circuit imperfections such as the finite clock slope and body effect [2][9]. In fact, the
optimization of the size ratio is a rather complicated modeling problem that involves
tedious calculations based on various device parameters, and computer simulation is
usually utilized in practice to find the optimal solution. We will discuss several other
techniques of minimizing charge injection in Chapter 3, where sample-and-hold
(S&H) circuits are treated.

1.4 MOSFET Capacitors

This section discusses the behavior of the MOS transistor as a capacitor. Similar to
what we’ve seen earlier, the operation of a MOSFET capacitor can be divided into
three different regions: accumulation, depletion, and inversion.

Assuming an NMOS transistor is used, we can say that it operates in the accu-
mulation region when the gate voltage is negative. In this region, the negative gate
voltage attracts holes from the substrate to the oxide-gate interface. Thus, the gate
and the substrate electrode (i.e., the oxide) form a capacitor, which has a thickness of
1, and holds a voltage difference between its two plates (i.e., V,). It can be shown
that its capacitance is given by [10]

Coe=C, WL (1.15)

where C,, is the oxide capacitance per unit area, W is the transistor gate width, and L
is the effective gate length.

When the transistor is operating in the depletion region, its gate voltage is rela-
tively small (i.e., near zero). Although the gate voltage is positive, not many electrons
are attracted to the oxide-gate interface. As a result, the “battery” cannot hold much
electronic charge; hence the equivalent capacitance is relatively small.

When a large positive voltage (typically larger than twice the Fermi potential or
approximately equal to the threshold voltage, V,;,) is applied to the gate, the negative
carriers (i.e., electrons) dominate the channel underneath the gate-oxide interface,
and a larger equivalent capacitance is recovered. Figure 1.3 shows the MOSFET
capacitance plotted against the gate-source voltage. Note that Vj, denotes the flat-

11
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Figure 1.3 Capacitance versus voltage characteristic of a MOSFET.

band voltage [10], which separates the accumulation and depletion regions, and V, is
the threshold voltage, which (as mentioned earlier) divides between the depletion and
inversion regions.

We will see in Chapter 3 that switched-capacitor (SC) circuits normally require
accurate capacitor ratios. As concerns the realization of capacitors in SC circuits, we
should notice that standard MOSFETSs cannot meet the accuracy requirements, for
the capacitances will vary considerably with the corresponding gate-source voltages.
In practice, easy-to-scale polysilicon layers are almost always chosen to realize
integrated capacitors. However, physical CMOS processing imperfections such as
overetching, parasitic coupling, and excessive lateral diffusion [1][2][6] post an
obstacle to precisely realizing the desired capacitor ratio, and the resultant error is
often called the capacitor mismatch error. The effects of capacitor mismatching on
the circuit’s accuracy can be effectively reduced on the mask development level (also
known as the circuit layout level), where the circuit’s geometry and wiring configura-
tions are determined in accordance with certain design rules. Details on layout
design rules useful for compensating capacitor mismatch errors introduced by over-
etching and other CMOS device nonidealities can be found in [11]. For SC applica-
tions that require high accuracy (e.g., SC data converters), in addition to
compensating capacitor mismatch errors on the layout level, extra circuit elements are
often incorporated into the core to further alleviate the errors’ effects (i.e., compen-
sating mismatch errors on the circuit design level). The operations of these extra
circuit elements embody what is called the mismatch error compensation (or cancel-
lation), the concept of which will be treated in Chapter 5.

12
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CHAPTER

Operational Amplifiers

2.1 Introduction

Operational amplifiers (op-amps) are perhaps the most important element in analog
circuits and deserve the most attention from the circuit designer. The design of op-amps
has been one of the most thoroughly covered topics in the field of integrated circuits
(ICs), and a plentiful number of textbooks and handbooks are available that provide in-
depth discussions and fruitful circuit design examples. Thus, the following context shall
be positioned as an introductory overview, rather than a comprehensive study, of the
modern complementary metal-oxide semiconductor (CMOS) op-amp topologies.

Chapter Outline

This chapter is organized as follows. Section 2.2 describes the fundamental aspects
of the two-stage op-amp. Cascode-type op-amp topologies such as the telescopic and
the folded-cascode op-amps are discussed in Section 2.3.

2.2 Two-Stage Op-Amps

A two-stage op-amp is typically composed of two cascaded stages: the first is a fast
open-loop stage, while the second is a high-gain and yet slower closed-loop stage.
The total op-amp voltage gain is the product of the two stage gains. A typical
compensated two-stage CMOS op-amp is shown in Figure 2.1 (the output buffer for
resistive loading is not shown). The ultimate goal of compensating an op-amp is to
ensure that the op-amp is not only stable (which is often reflected by phase margin
and gain margin), but also capable of promptly settling its output signal to the
desired value in response to a fast changing (or busy) input signal (which is reflected
by unity-gain bandwidth and slew rate).
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Figure 2.1 Compensated two-stage CMOS op-amp.

Two different compensations are applied to the op-amp in Figure 2.1: one is
called Miller compensation (or pole-splitting compensation), and the other is called
lead compensation (or right-half-plane zero cancellation). The former is realized by
the compensation capacitor (or Miller capacitor) denoted C,., while the latter is
realized by the N-channel MOS (NMOS) transistor denoted M;, which operates in
the triode region and has an on-resistance of

1
R = (2.1)

oo
l’ln oxDL D7( gs7 ‘/thn)

The mechanism of compensating the two-stage op-amp may be better understood
by investigating the high-frequency small-signal op-amp model [1]. The basic idea is
as follows. If the NMOS transistor M5 is shorted (i.e., R. = 0), then it can be shown
that the two-stage op-amp has two poles and one zero, which are approximately
expressed as

1 gm9 gm9

w, J——, . [+ == 22
N e RRC, g ro+cac YT ¢ (22

c
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where @, is the low-frequency pole or the dominant pole, @,, is the high-

frequency pole or the nondominant pole, w, is a zero located in the right half of the
s-plane (@, > 0), R, is the output resistance of the first stage, R, is the output resis-
tance of the second stage, C; is the total capacitance at the first stage’s output, and C,
is the total capacitance at the second stage’s output.

As g, 18 increased, w,; and w,, are moved away from each other. This phenom-
enon is called pole splitting. Pole splitting can also be done by increasing C., which is
less effective as compared to increasing g,.o. From basic feedback systems theories we
should know that the separation of these two poles (w,, and ®,,) tends to cause the
value of phase margin to increase. Since phase margin is one of the most commonly
used quantitative criteria of stability (although not the perfectly reliable measure) in
practice, we can say that in general pole splitting helps improve the op-amp’s stability.

On the other hand, from Equation (2.2), if the output load capacitance, C,, is
increased, then w,, will be moved closer to @,;. As a consequence, the two-stage op-
amp topology is normally not chosen to directly drive large capacitive loads (e.g.,
larger than 10 pF).

The right-half-plane (RHP) zero, ., is not desirable because it introduces a phase
lag to the system, resulting in a smaller phase margin. Hence, the system may become
unstable. The simplest way to reduce the effect of the RHP zero is to make use of M,
or, equivalently, R,, to introduce a phase lead so that the phase lag is compensated;
hence, the name lead compensation. After inserting a nonzero R, into the circuit, we
can find that the zero of the op-amp’s transfer function is now given by

o= 1
2 c o1 _ <D (2.3)
Oy O
8mo

To eliminate the RHP zero, we may equal R, to (1/g,9). Next, by utilizing the
result of Equation (2.1) and one of the well-known transconductance formulae, we
obtain

WO
DL I:'I7 ( gs9 thn) ‘/eﬁ9
DED (Vgs7 ‘/thn) ‘/eﬂ 7
O 0

Note that My, must always operate in the active region. In Appendix 2.1, the

processes of pole splitting and RHP zero cancellation for a standard two-stage
op-amp are investigated using MATLAB programs.

(2.4)
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Note that the voltage across the resistor (R)) in the biasing network should be
designed to equal the effective drain-source voltage of My (V,). Also, V4 should be
equal to Vs and V. This is partially due to the consideration of minimizing the
inherent op-amp offset voltage, which is defined as the output voltage in the presence
of a zero differential input voltage [2].

Furthermore, it is known that the linear settling performance of an op-amp is
reflected by its unity-gain bandwidth (UGBW). It can be shown that the unity-
gain bandwidth of the compensated two-stage op-amp presented in Figure 2.1
is approximately given by (g,,/C,.). This approximation is made based on the
assumption that the output impedance of the first gain stage is dominated by C.,
(i.e., the Miller capacitor); consequently, the overall gain response can be simplified
to

01 0, _8u
! DSAZCCDAQ «C. (2.5)

Next, the unity-gain bandwidth can be obtained by equating the absolute magni-
tude of the preceding to unity, and the result is expressed as @ygpw = g/ C..

onerall(s) = A1A2 Dg

Another important factor that contributes to the op-amp’s overall settling perfor-
mance is the slew rate (SR). In practice, the slew rate is often referred to as the
nonlinear settling rate, and is defined as the maximum rate at which the op-amp’s
output voltage changes in the presence of a large input signal. It can be expressed as
(assuming C. is much larger than both C, and C,)

SR = dvout| — d(Q/CC)| — ICc_max

dt | max dt | max C

c

(2.6)

Here, I, .« 1S the maximum current that can flow through the Miller capacitor
(C.). When a large differential signal is applied to the input devices, M, and M,,
either one of them may be turned off depending on the polarity of the input signal.
Hence, the maximum current available to charge or discharge the Miller capacitor
is equal to the current flowing in the branch that contains transistors M;, and Mg,
and the resultant slew rate is approximately given by (/,,/C.) or, equivalently, by
(Lare/ Co).

From the preceding development, we can see that there is a practical tradeoff
between the stability criteria and the settling characteristics (i.e., speed). Specifically,
for a given current budget, increasing C, tends to make the op-amp more stable, but
in the meantime it reduces the unity-gain bandwidth as well as the slew rate.
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2.3 Telescopic and Folded-Cascode Op-Amps

Telescopic and folded-cascode op-amps belong to the cascode op-amp topologies,
where multiple transistors are stacked up to increase the total output impedance,
which in turn boosts the op-amp’s intrinsic dc gain value. A telescopic CMOS op-
amp and a folded-cascode CMOS op-amp are shown in Figures 2.2 (a) and (b),
respectively. Both are fully differential configurations while the common-mode
feedback (CMFB) circuits are not shown for simplicity.

Let us start with the telescopic op-amp shown in Figure 2.2(a) [3]. Specifically,
note that the unity-gain bandwidth (i.e., the dominant pole frequency) is determined
by the transconductance of the input transistor (g, or g,») and the load capacitance
(not shown), while the nondominant pole frequency is inversely proportional to the
time-constant product of the impedance and parasitic capacitance at the source of the
third-layer P-channel MOS (PMOS) cascode transistor, M; or M,. The impedance

Vg

Vinp ‘—|E M1 M2 jl_.vinn
e e fE—™
'_.Voutp
® Vo
o o
o

Figure 2.2 (a) Telescopic CMOS op-amp. (b) Folded-cascode CMOS op-amp.
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Figure 2.2 Continued

value is approximately given by one over the cascode transistor’s transconductance,

and the parasitic capacitance is composed of its C,,, the corresponding input transis-
tor’s Cyy and C. In other words, both the dominant and nondominant poles depend
on the same type of transistors (PMOS in this case).

In practice, given the same current budget and sizing limit, NMOS transistors are
usually a better choice than PMOS transistors to realize the telescopic op-amp’s input
devices because the NMOS transconductance will turn out to be larger than the
PMOS transconductance, and a large input transconductance is essential to realizing
a high voltage gain and a large unity-gain bandwidth. However, the telescopic op-
amp suffers from the reduced output voltage swing, which is a common limitation on
all cascode-type op-amp topologies (including the folded-cascode op-amp). More-
over, in the op-amp shown in Figure 2.2(a), it is not possible to bias the input and
output at the same dc voltage level due to the inherent voltage drop from the gate of
M, (or M,) through M; (or M,) to V,,, (or V,,,), which is approximately given by
Viipl + Vo1 + Vigrs (0 [Vig| + Vo + Vo).

The folded-cascode op-amp circumvents this issue of inherent voltage drop by
taking the input devices out of the cascode branches, such that their effective drain-
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source voltages do not contribute to the overall voltage drop of the op-amp. As
shown in Figure 2.2(b), a pair of NMOS transistors, M, and M,, are used as the
input devices, and another NMOS transistor, M,, is used as the current sink for M,
and M,. Also, in this op-amp, there are four rather than five cascode layers between
V,« and ground, which results in a higher output swing than that of the telescopic op-
amp presented in Figure 2.2(a).

Although the input pair is taken out of the cascode branches, the resulting folded-
cascode op-amp is still a single-stage op-amp since no additional gain stage is added.
In the folded-cascode op-amp shown in Figure 2.2(b), the unity-gain bandwidth is
determined by the transconductance of the NMOS input device (g, or g,,) and the
load capacitance, while the nondominant pole frequency is determined by the
impedance and parasitic capacitance at the source of the PMOS cascode transistor, M5
or M,. This pole allocation is nearly the same as that in the preceding telescopic case
except that the dominant pole and the nondominant pole of the op-amp now depend on
different types of transistors. Alternatively, a PMOS input pair can be used in the
op-amp. As a result, the dominant pole and the nondominant pole of the op-amp
depend on the PMOS input pair and the NMOS cascode transistors, respectively.

The NMOS input pair should be chosen over the PMOS input pair if large unity-
gain bandwidth and small silicon area have the highest priority. On the other hand, if
large phase margin and good flicker noise suppression are the most important merits,
the PMOS input pair should be adopted. Also, the PMOS input-pair configuration
has an added benefit of allowing the op-amp’s input common-mode level to be set to
a negative power supply [2]. Nevertheless, the decision of which input pair to choose
for the folded-cascode op-amp is not absolute and highly depends on the application’s
requirements.

An example of folded-cascode op-amp implementation is shown in Figure 2.3
(the CMFB circuit is not shown). This is a fully differential op-amp, and it uses six
cascode layers to achieve high dc gain.

Note that this op-amp makes use of cascode current mirrors [4]. The purpose of
using cascode current mirrors is to provide the appropriate bias voltages so that a
rail-to-rail output swing is obtained. The bias current 7, is set to 50 uA. A standard
MOSIS 5-V 0.6-um CMOS process is used, and the transistor-sizing for the op-amp
is listed in Table 2.1.

With a total load capacitance of 4pF (i.e., C; = C, = 2pF), SPICE simulations
show that at the standard room temperature (27 degrees centigrade), the op-amp can
achieve a maximum dc gain of about 79dB and a UGBW of about 217 MHz. The

21



Demystifying Switched-Capacitor Circuits

‘uSisep dwe-do SOND 2podses-pap|oy [ednndeid €' 24n3i4

s
W]l

sy | = o I o _ _
H ot
N N
e = o I o —e %A
9 1> i
o€, 22
N 1 N
| = N _|— ) W
I 0
o) q EN
aSo> P ‘|__“
.‘|_ 0T
| 1 .[__Mﬂe
0 |h| N |__“4h_>_
uino [
N
- - - o
o [T [T iy e, W
m - - - s
vm_\,__.v__ 2y T« op ey W
d4INO
e 28 9

£

mﬁ meﬁ mﬁ w D ?

22



Operational Amplifiers

Table 2.1 Transistor-sizing for the folded-cascode op-amp.

Devices Type Size (um)
M; 2 NMOS 400/1
Ms NMOS 200/1
Mase PMOS 20/1
M, PMOS 20/5
Mg PMOS 20/3
Mo PMOS 20/1
Mo 11 NMOS 20/1
M12,13,14 PMOS 20/1
Mis NMOS 10/1
Mig 1718 PMOS 20/1
Mg NMOS 8/1
Mzo NMOS 8/3
Mz NMOS 8/5
Mz NMOS 121
Mzs NMOS 151
Ma4 NMOS 18/1
Mas PMOS 300/1
Mz PMOS 100/1
Mz 28 PMOS 120/0.6
Mag 30 31 NMOS 1001
Mas PMOS 100/1
Mas PMOS 300/1
May 35 PMOS 120/0.6
Mas 37,38 NMOS 1001

maximum loop phase margin (measured along with the CMFB circuit) is about 57
degrees, and the range of output voltage swing is from 0.37V to 4.98 V. This is not
intended as an optimal design, and the interested reader is encouraged to improve the

performance merits.

In applications such as high-speed and high-accuracy data converters, the gain
requirement for the op-amp often exceeds what can be readily achieved by any
conventional single-stage topologies. Moreover, in some cases the unity-gain
bandwidth of the op-amp must be very large, which thus often hampers the use of
multistage or cascaded architectures due to the inherent speed penalty caused by
interstage compensations. One of the most widely adopted gain-enhancement
techniques is using a fast regulated amplifier (or auxiliary amplifier) to improve the
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output impedance of the main single-stage amplifier, thereby increasing the overall
gain without significantly affecting the original op-amp’s speed [3][5].

Appendix 2.1

Use the MATLAB program to analyze the pole-splitting phenomenon and RHP zero
cancellation of a standard differential-input, single-ended-output, two-stage op-amp.
For the pole-splitting analysis, use R. = 0 and sweep C. from 0O to 30 pF. For RHP
zero cancellation, use C. = 10pF and sweep R, from 0 to 300 Q. It is assumed that
the input transconductance capacitor g, = 0.01, the first-stage output impedance R, =
100kQ, the second-stage output impedance R, = 20kQ, C, = 1 pF, and C, = 3pF.
The source codes are as follows:

% MATLAB analysis of pole splitting, using R. = 0 and sweep C..%
clear all;

close all;

gml=0.01;

gm2=0.01;

R1=100000;

R2=20000;

Cl=le-12;

C2=3e-12;

for Cc=0:1e-13:30e-12
al=R1*R2*(C2*C1l+Cc*C2+Cc*Cl);
a2=(C2+Cc)*R2+(Cl+Cc)*R1+gm2*R1*R2*CcC;
A=[al, a2, 1];

plot(real(roots(A)), imag(roots(d)), ‘X’);
title (*POLE SPLITTING: THE MOTION OF POLE (SWEEPING Cc FROM 0 TO
30pF)’);

xlabel (‘REAL’);
yvlabel (‘IMAGINARY');
hold on;
% MATLAB analysis of RHP zero cancellation, using C. = 10pF and

Q

sweep R.. %

close all;
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Cc=10e-12;

for Rc=0:10:300

al=R1*R2*Rc*C1*C2*Cc;

a2=R1*R2*(C1*C2+Cc*C1+Cc*C2)+Rc*Cc* (R1*C1+R2*C2);

a3=R2*(C2+Cc)+R1*(C1l+Cc)+Rc*Cc+gm2*R1*R2*Cc;

A=[al, a2, a3, 11;

figure (1)

subplot(2,1,1),

plot(real(roots(ad)), imag(roots(d)), ‘x’);

title(*RHP ZERO CANCELLATION: THE MOTION OF POLE (SWEEPING Rc FROM
0 TO 300)7);

xlabel (*REAL’);

vlabel (‘IMAGINARY’);

hold on;

bl=-gml*Cc*R1*R2+gml*gm2*R1*R2*Cc*Rc;

b0=gml*gm2*R1*R2;

B=[bl, b0, 11;

subplot(2,1,2),

plot(real(roots(B)), imag(roots(B)), ‘0’);

title(*RHP ZERO CANCELLATION: THE MOTION OF ZERO (SWEEPING Rc FROM
0 TO 300)7);

xlabel (‘REAL’);
vlabel (*IMAGINARY’);
hold on;

end
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CHAPTER

Switched-Capacitor Building Blocks

3.1 Introduction

In this chapter we study basic switched-capacitor building blocks, which are the
requisites for realizing analog sampled-data functions.

Switched-capacitor (SC) building blocks are often classified into two categories:
passive and active. A passive SC building block (or element) is defined as a network
composed of switches and capacitors only, whereas its active counterpart is not only
built from switches and capacitors, but also active devices such as op-amps. Strictly
speaking, a MOS switch is an active device, for it is composed of one or more
transistors, which must be driven by the system clock or its derivatives. However, as
we will see shortly, the primary use of SC-only elements is the simulation (or
approximation) of the physical resistor; and in analog integrated circuits (ICs), the
op-amp is usually regarded as the dividing line between passive and active integrated
implementations. Therefore in this book we consider SC-only elements as passive
and the others using op-amps as active.

As we have mentioned, the major application of passive SC elements is the physi-
cal resistor simulation in a monolithic configuration. Sometimes passive SC elements
can also be used to construct passive filters and voltage converters. In comparison, as
we will see in the following sections and chapters, active SC elements are widely
adopted in the design of integrators, active filters, data converters, and so on.

Chapter Outline

This chapter is organized as follows. Section 3.2 presents different types of passive
SC resistor simulations. The advantages of SC simulations over the physical resistor
in terms of silicon area and accuracy are described. It is emphasized that an SC
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circuit’s frequency response is determined by capacitance ratios rather than by
individual capacitances [1]. The relationships of capacitance ratios and critical circuit
parameters are investigated. Section 3.3 introduces single-ended as well as fully
differential SC integrators. The effects of parasitic capacitances on the circuit’s
transfer function are discussed, and a few parasitic-insensitive solutions are provided.
Section 3.4 presents the design principles of CMOS sample-and-hold (S&H) circuits.
The key performance parameters of S&H circuits are investigated, and several design
examples are presented. Section 3.5 presents an overview of SC interpolators and
decimators. Finally, a brief tutorial on the signal-flow-graph (SFG) technique and the
Mason’s rule is included in Section 3.6.

3.2 Switched-Capacitor Resistor Simulation

SC Resistor Simulations

A physical resistor can be simulated by different passive SC elements. We start with
the periodically reverse-switched capacitor [2], which is better known as the bilin-
ear SC resistor simulation [3] (we shall see shortly why the term bilinear is used
here). The SC configuration is illustrated in Figure 3.1(a). Controlled by two non-
overlapping pulses @, and ®,, the switches change positions only momentarily at
discrete instants t,, n =1, 2, 3,4, 5, 6 . . . as shown in Figure 3.1(b).

Before proceeding, we should note that to simulate a physical resistor accurately
(i.e., with less than 1% relative error) using an SC resistor simulation, both V; and V,
must vary slowly in relation to the sampling clock. In fact, there is a rule of thumb
suggesting that f,,., < f.x/100 (f,... 1s the highest possible signal frequency and f; 1s
the sampling clock frequency). To simplify the analysis, for this moment we assume
that all switches are ideal with zero on-resistances, and as a result, the time taken for
charging and discharging C can be considered negligible. In other words, C is
charged or discharged to a specified voltage instantaneously at each sampling
instant. Additionally, note that in this section we ignore parasitic capacitances or
stray capacitances, and we will study their effects on circuit performance in Section
3.3.

The following is a time-domain analysis of the SC network shown in Figure
3.1(a). Initially, all four switches are open, and the capacitor C is not charged. At
time #;, @, is on, and switches 1 and 3 are closed. By the end of @, or time #,, the
voltage across C will become V(t,) — V,(t,). Since V; and V, are assumed to remain
constant during the clock phase period (i.e., fi, /> << f.x), the index t, is considered
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Figure 3.1 (a) Bilinear resistor simulation. (b) Nonoverlapping clock pulses.

*
-

(c) Parallel resistor simulation. (d) Series resistor simulation. (e) Series-parallel
resistor simulation. (f) Parasitic-insensitive resistor simulation.

insignificant, and the capacitor voltage can be approximated to a dc voltage (V, — V,).
The electronic charge (in coulombs) transferred from node V; to node V;is thus given
by
7=C(V,=V,)-0=C(V,-V,) (3.D
At time 3, @, is already off and @, is just turned on, and switches 1 and 3 are

open whereas 2 and 4 are closed. By the end of ®, or time ¢4, the capacitor will be
charged to (V, — V}), and the charge transferred from V, to V; is thus given by

3,=C(V,=V)-C(V,-V,)=2C(V,- V) (3.2)

At time 5, again, @, is turned on instantly and @, is already off, and switches 1
and 3 are closed whereas 2 and 4 are open. Similarly, by the end of the subsequent
@, or time t4, the capacitor C will be charged to (V; — V), and the charge transferred
from V; to V,is given by

g =C(V=V,)-C(V,-V))=2C(V,-V,) (3.3)
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From now on, the sequence of charge transfer between time #, and #;is repeated
every 7, and the system reaches a steady state. Under a steady-state condition, the
average current that flows through the system is determined by the amount of charge
transferred between, for example, time 7, and 75, which is equal to 7. Therefore, if the
direction of the electric current flow is assumedly from V, to V,, then the average
current can be expressed as

_ Ag; —Aq, _ 4C(V-V,)

1,, 34
o (té - tz) T ( )
Apply Ohm’s law, and the equivalent resistance is thus given by
T 1
(V Y, ) — (3.5)

W= T T 4C 4Cf,

avg

Interestingly, the preceding development implies that the polarity of the voltage
across the capacitor changes twice from t, till #4 (i.e., within a clock period 7). In
other words, the effective cycle of polarity change is 7(T; = 7/2). As a result, to keep
up with these changes, all switches must operate (i.e., open/close) at a rate of 2f..
Hence, the actual sampling frequency required for operating the circuit shown in
Figure 3.1(a) is given by 2f.;.

Next we investigate why this configuration is often referred to as the bilinear SC
resistor simulation. Let us first take a look at the frequency-domain description of
the charge distribution by a resistor. Consider the charge transferred by a continuous-
time resistor R,, which is given by

0,()= ] iy(vyar=[ Y1)

2 dr=—- j V,(t)dt (3.6)

Here V is the voltage difference between two nodes, V, and V,. We then obtain
the s-domain expression of Q, by applying the Laplace-transform to the preceding
equation,

L Vo (s)

0 S

Oy (s)= 37

It has been proven that an s-domain equation relating Qq(s), Vy(s), and Ry, such
as Equation (3.7), can be mapped directly to its corresponding z-domain equation
that relates Qy(z), Vi(2), and C by simply replacing s in the s-domain equation with
its z-domain equivalence, F(z) [3]. Next, we need to identify the right s-to-z transfor-
mation to map Equation (3.7) to its z-domain counterpart.
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In the following frequency-domain analysis, we will adopt most assumptions made
for the preceding time-domain derivation of R,,,, for instance, all switches operate
periodically at a rate much faster than that of the variations in V; and V,. However, the
particular assumption of V, (i.e., the voltage difference between V; and V,) being a dc
signal defeats the purpose of frequency-domain analysis and causes loss of generality.
Therefore, we no longer assume V}, as a dc voltage from this point on.

Now, let us revisit the charge behavior during the time interval from ¢, till #,, whose
pattern repeats every half period or 7;. Specifically, at time #,, C is charged to CV(t,),
which is retained on C till time #;, when C is charged to CV,(#;). Likewise, at the next
instant t, = t,+ T}, C is instantaneously discharged and recharged to CV,(t;). According
to the charge conservation principle, a difference equation can be established to relate
the corresponding charges sampled at 1,, 75, and t,, which is given by

Qo (13) = Qy (1, = T}) = C[V, (1) + V, (15)] - C [V, (13) = Vo (1, = T))]
:C[Vo (t4)+Vo (t4_Tl)] (3.3)

The preceding difference equation shows that the charge transfer depends on
samples taken at discrete-time instants (e.g., #;) in a periodical fashion (on a 7 cycle);
hence we can apply z-transform to both sides of the equation, and we have

1+z7!
1-z7!

Q,(z2)=C- Vo (2) (3.9)

The right-hand side of Equation (3.9) may remind the reader of the bilinear
mapping concept introduced in basic discrete-time signal theories. The well-known
formula of the bilinear mapping scheme is provided here for convenience:

2 1-z7!
%_.
T, 1+z

(3.10)

The right-hand part of the preceding formula is the transformed result of s in z-
domain, F(z). Again, note that the effective clock period is indeed 7; (which is equal
to half 7). By comparing Equations (3.7), (3.9), and (3.10), we can conclude that
Equation (3.7) is bilinear-mapped to its z-domain counterpart, Equation (3.9) (assum-
ing the frequency warping effects have been alleviated by prewarping operations),
only if the following condition is satisfied:

_ L _ 1T _ 1
" 2C  4C  4cf,

A comparison between Equations (3.5) and (3.11) indicates that R, = R,,,. The
equality thus verifies the aforementioned time-domain derivation of R,,,. To con-

3.11)
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clude, the forgoing treatment shows that Equation (3.7) can be mapped directly to
Equation (3.9) using the bilinear s-to-z transformation, which in turn explains the
term bilinear used in the naming of the SC resistor simulation shown in Figure
3.1(a).

However, to the derivation of a bilinear SC circuit from its continuous-time RC
prototype, simply replacing each branch resistor with its corresponding SC resistor
simulation is not adequate, and a sample-and-hold (S&H) clocked at 2f;, must be
added before the SC circuit’s input. As reported by Temes et al. [4], the main
purpose of this S&H is to eliminate a charge leakage. This leakage is neither due to
charge injection (see Chapter 1) nor caused by voltage-dependent nonlinear capaci-
tance [5] because so far ideal switches and capacitor have been assumed. In fact, this
leakage can be identified as an inter-phase-input-dependent charge leakage, meaning
the charge behavior of the circuit during the odd (®; = 1) or even (®d,= 1) phase
depends on the input during the even or odd phase. As a result, such a bilinear
circuit cannot be decomposed into odd-phase and even-phase subcircuits.

It can be proved that the leakage reported in [4] will occur if either of the follow-
ing conditions is satisfied: (1) the input signal has a continuous-time waveform; or (2)
the neighboring ®;s and ®,s in Figure 3.1(b) are located very close to each other,
such that the two nodes (V, and V,) appear to be coupled with each other by the
capacitor C all the time, except for the moments #,, n =1, 2,3,4,5,6. ..

Intuitively speaking, the added S&H alleviates the nonlinearity effects (or distor-
tions) due to the leakage by periodically decoupling the output from the input.
Furthermore, if it is assumed that the input is a true continuous-time signal, then the
frequency response of the S&H, which is basically a sinc response, helps attenuate
the higher-frequency signal replicas (at 2f.; and beyond). The interested reader is
referred to [3][4] for mathematical analysis of the added S&H’s influence on the SC
circuit’s frequency response.

Now that we have practiced analyzing the first SC resistor simulation in both
time and frequency domains, it is straightforward to deal with the remaining circuits
in Figure 3.1 since we can simply follow the same steps. A second SC resistor
simulation is shown in Figure 3.1(c) [6]. The two switches are turned on and off
repeatedly under the control of pulses @, and ®,, which are shown in Figure 3.1(b).
As a result, the amount of charge that flows from V; to V,is equal to C(V; — V)
during each clock period 7T (assuming there is no parasitic capacitance). Thus, the
average current that flows into V, is given by
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C(V,-V,)
o= —‘T 2 (3.12)
The equivalent continuous-time resistor is given by
R :M_Z_ 1 (3.13)

g CCCfy

avg

This SC circuit is often called the parallel resistor simulation, since V, and V, are
never directly coupled together (i.e., they are connected in parallel).

Figures 3.1(d) and (e) show the series resistor simulation and the series-parallel
resistor simulation, respectively. In comparison with the parallel simulation, in both
settings, a serial capacitor is used to couple V; to V,. These two circuits can be
analyzed in a similar fashion as before. For the sake of brevity, the analysis is left to
the reader as an exercise. The equivalent resistor result from the series simulation is
given by

_r_1
C Gy

And the equivalent resistor from the series-parallel simulation shown in Figure
3.1(e) is

(3.14)

T 1
Requ: =
C+C (C+G)fu

Interesting enough, once we replace T with 7 and make C; = C, in Equation
(3.15), the resulting equivalent resistance turns out to be exactly the same as that
given by Equation (3.5). This indicates a conditional equivalence between the bilin-
ear and series-parallel resistor simulations. The element in Figure 3.1(e) can in fact
be used to build a bilinear SC circuit, for example, an integrator (for C, = C,), whose
input signal should also be sampled and held [7].

(3.15)

Lastly, the SC circuit illustrated in Figure 3.1(f) [8][9] has been one of the most
widely adopted solutions to the simulation of a continuous-time resistor so far.
Circuit designers prefer it over the remaining configurations in Figure 3.1 mainly
because of its insensitivity to parasitic/stray capacitances in the circuit, from which
the others suffer. In an integrated capacitor, the troublesome parasitic capacitances
usually reside between certain nodes on the lower polysilicon layers, which are
neither grounded nor connected to a low impedance point such as an op-amp’s output
in most cases. Among them, the critical ones are the top-plate parasitic (C,,) and the
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bottom-plate parasitic (C,,), whose absolute values tend to vary, and are not control-
lable even through careful fabrications. Depending on circuit layout and process
technology, C,, varies from 0.1% to 1%, while C,, varies from 5% to as much as
20% of the desired capacitance C [10]. In Section 3.3, we will learn in detail how
this particular SC element (or its modification, discussed later) can be used to effec-
tively eliminate the effects of parasitic capacitances.

By following the same procedure employed throughout this section, we can
derive the equivalent resistance simulated by the circuit in Figure 3.1(f), which is
given by R,,, = 1/Cf. A modification of this SC circuit can be realized by simply
interchanging the clock phases of switches 3 and 4 in Figure 3.1(f). It can be shown
that such phase reversals will introduce a sign change to the transfer function as well
as to the equivalent resistance value. In fact, the resulting resistance is given by R,,,
= —1/Cf.; (i.e., a negative resistor). The derivation of these resistances is left to the
reader as an exercise.

The Advantages of SC Resistor Simulations

The most significant advantage of SC resistor simulations is the considerable saving
of silicon chip area. To understand this, consider the circuit shown in Figure 3.1(c), if
C=0.5pF and f.;, = 200kHz, then an R,,, as large as 10MQ is realized by simply
using two clock-controlled switches and one relatively small capacitor (0.5 pF), which
consume a silicon area of less than 0.01 mm? in a standard CMOS process. In com-
parison, to realize a 10-MQ diffused resistor in the same technology, a silicon area
of up to 1.0mm?* will be required, which is 1.0/0.01 = 100 times larger!

Another important advantage is that the frequency response of the SC circuit is
controllable by adjusting capacitance ratios. This feature enables us to improve the
overall accuracy of the circuit at much less physical design cost and effort. First, let
us look into an important parameter called time constant, which is often denoted as
7. In a first-order RC network, the time constant is expressed as 7= R,Cy (R, is the
diffused resistor, and Cis the unswitched capacitor). In the modern IC fabrication
process, capacitors and resistors are made in rather different steps. So, there is no
referable relation between the capacitor error and that of the resistor [11]. In general,
these two types of errors are considered to be uncorrelated from each other. Thus,
the accuracy of 7 can be given by

ﬁ_ d(R,C,) _dR, N dc,
T (R,Cy) R, Gy

(3.16)
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The preceding equation indicates that the accuracy of 7is determined by the
inherent precisions of Ryand C,, which tend to vary considerably with temperature
and technology tolerance [1]. In practice, the absolute errors of integrated R,and C,
due to temperature variations and fabrication inaccuracies are normally on the order
of 10%. This implies that in a worst-case scenario, the variance of 7 obtained from
Equation (3.16) may amount to as large as 20%, which is apparently unacceptable to
most signal processing applications.

If R, is replaced by, say, the parallel simulation shown in Figure 3.1(c), then the
resulting time constant 7; is given by (assuming that ideal switches with zero on-
resistances are used, and that T'is a two-phase clock generated by a precise crystal
oscillator)

1 C
— .C0:T.—OERO.CO (317)

Cen C

Equation (3.17) indicates that 7; is now determined by the capacitance ratio in the

circuit (i.e., Co/C) and T. Hence, the accuracy of the time constant is given by

T Co
ﬂ_d(c_c‘)):d_T_d_Q@:ﬁ_d_chc)

T

7, (TCOJ T ¢ ¢ C C (Coj
C

Note that in the preceding equation, the variance of 7 is ignored because the
output frequency value of such a crystal-based clock is usually very precise (with an
absolute error of less than 0.001%). The rightmost side of Equation (3.18) reveals that
in the absence of the physical resistor, the accuracy of 7, is dominated by the tracking
or matching accuracy between Cyand C. In other words, the time constant 7; depends
on the capacitance ratio rather than the individual capacitances (i.e., Cyand C).

(3.18)

Furthermore, Cyand C are often located close to each other in the chip layout.
With careful layout, the mismatch error between two capacitors fabricated within the
same area of a chip can be kept as low as 0.1% in a standard CMOS process [5] and
even lower than 0.05% in the cutting-edge CMOS technologies. Therefore, the
accuracy of 7, given by Equation (3.18) is a significant improvement (e.g., 200 times
more accurate) to that given by Equation (3.16).

Capacitance Ratios versus Circuit Parameters

In the previous development, we learned the relationship between the time constant
7; and the capacitance ratio (Cy/C). Furthermore, it is of practical interest to explore
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the relationships of the following critical parameters: damping factor (0,), quality
Jactor (Q), pole or center frequency (@), and maximum magnitude or voltage gain
(G), with respect to capacitance ratios.

Let us begin our discussion with the SC circuit’s transfer function. Recall from
signals and systems theories that a high-order transfer function can be realized by
factoring its numerator and denominator into a group of first- or second-order (biqua-
dratic or biquad) subfunctions. Once these low-order building blocks are determined,
it is easy to reassemble the overall transfer function by cascading them. The calcula-
tion of the capacitance ratio in a first-order SC network is straightforward since only
one op-amp is used. Therefore, without loss of generality, we will focus our discus-
sion on second-order transfer functions.

In general, a second-order continuous-time system can be described by an s-
domain transfer function in the form of

ayt+ays +as” ao/bo +(a,/by)s™ +(a,/by)s?

H(s)= = 3.19
(s) by+bis +b,s? 1+4(b/by)s™ +(b,/by)s™ G19)
For synthesis purposes, the foregoing transfer function is often rewritten to
-1 -2 -1 -2
H, (S):ao/bo+(a1/bo)s_l+(a§/zo)s _ ao/bo"'(al/liol)s +(az_/lbo)s (3.20)
1+(w0/Q)S T WS (1= ps™)(1=pys™)

Assuming p; and p, are two conjugate-complex s-plane poles of H,(s), we have

p2=-0,tjo, 0<0,<c, 0<@, <o (3.21)

Based on Equations (3.20) and (3.21), we can write 0, and @, as functions of Q

and @,,
G, = ;’—5 and  @,=0,40* 1 = @y, |1 - (3.22)

where o, is the damping factor and , is the overshoot or peak frequency of the
magnitude response. The expression of o, given by Equation (3.22) may remind the
reader of the half-bandwidth of a band-pass (BP) system, which is expressed as
\/50'1, =w_, ;= 1/7 . What’s more, this reveals a linear relation between o, and 7.
According to Equation (3.18), if we utilize SC resistor simulations to realize all the
required resistances in a continuous-time system, then the accuracy of the resultant
time constant (7) will depend heavily on the capacitance ratios. Thus, based on the
aforementioned relation between 7 and o, we can say that the realized o, is also
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determined by the capacitance ratios. Furthermore, from Equation (3.22) we can find
that the ratio of @w,to Q depends on the capacitance ratios as well.

According to Equation (3.22), if Q is increased then (w,/0,) is increased, and ®,
— @. As a consequence, the magnitude of H,(j®) will have a sharper peaking or
overshoot around w,, meaning a higher quality factor tends to result in a more
aggressing peaking in the magnitude response. Two benchmarks are often used in
practice to evaluate the peaking characteristics:

1. 0=05, wy= 0, and w,= 0—that is, the pole frequency is lower than @_;
and no peaking occurs in the pass-band.

2. 0= l/x/E, w,= \/50'17, and w,=0,= a)o/\/z —that is, the pole frequency is
equal to @,z with a mere 4.32% overshoot at @,, which imposes no danger
of instability on the overall response.

Next, we should derive the z-domain biquad transfer function using one of the
four standard s-to-z transformations (i.e., forward-Eular, backward-Eular, bilinear,
and lossless-discrete-integrating). From discrete-time signal theories, we know that if
a high sampling rate (f../fo >> 27 or w,T << 1) is assumed, then all four transforma-
tions can be roughly expressed as

z=eT=1+sT (3.23)

Inserting the previous approximation of s into Equation (3.19), we obtain the
equivalent z-domain transfer function in the form of

otz +e,z7 otz !+,
H 7)= 0 1 2 — 0 1 2 324
@ I+dz'+dy,z?  (1-Rz7")(1-Pz) ( :
Also, it is known that the z-plane poles are given by
P,=e"" = e "% (cos o,T+ jsinw,T) (3.25)

Inserting the z-plane poles (P; and P,) into the denominator of the transfer
function given by Equation (3.24), after some algebraic treatments we obtain the
expressions of d; and d, in terms of w,, 7, and Q:

d,=—2e 7120 cos(a)oT1 /1 — 4;2 j and d,=e "/ (3.26)

For most low-frequency applications (particularly audio signal processing), a high
sampling rate (f../fo >> 2 mwor w,T << 1) is usually required. In these cases, we can
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apply approximation to Equation (3.26) and obtain the following (assuming Q is not
smaller than 0.5):

o,T o,T

d=-2+2"+(0,T) and d,=1- (3.27)
And we can write the expression of Q in terms of d; and d,:
0= V1+d,+d, (3.28)

(l_dz)

Equation (3.28) is very useful for estimating the quality factor of an SC biquad
based on its z-domain transfer function. The higher the value of Q, the more accurate
the preceding estimation will be in relation to the actual value. Furthermore, the
foregoing equation can considerably simplify the calculation of the sensitivity of Q to
capacitance ratios [12][13].

Before proceeding, let us revisit Equations (3.19), (3.23), and (3.24). After some
algebraic efforts, we can rewrite H(z) of Equation (3.24) to

-1 ) ao/bo - [w)z—l + (ao —a,T+a,T? )Z_z
HG)= e s by by (3.29)
l+dz ' +dyz 2 1—(2—b‘T)Z—1+(1_blT+sz2)Z_2
0 bo bo

Utilizing the results given by Equation (3.27), we derive the following
approximations:

BBt and Zzer (3.30)
by Q b,

Comparing them with the denominator’s coefficients in Equation (3.20), we
realize that an error in the form of w{7s™', which is primarily due to the approxima-
tion given by Equation (3.23), has been introduced. In many cases, this error is not
negligible due to its effects on both magnitude and phase responses of the transfer
function [12]. Thus, the approximations of d;, d,, and Q derived earlier, although
useful for lending insights, are inadequate for the exact design and analysis, where
high precision is required. For exact representations of Q and w,, we must use more
precise mapping formulae, one of which is the bilinear s-to-z transformation given by
2=+ /(1 —5).

However, deriving the precise expressions of Q and @, in terms of capacitance
ratios is slightly involved. Fortunately, a few established results with respect to this

38



Switched-Capacitor Building Blocks

topic can be found in the literature [14][15]. Here we adopt the formulae from [15],
which are listed as follows (assuming @, is the prewarped frequency):
N(z)
H,(z)=

4(2) 1-2-a-B)z'+(1-p)z7

_1 /L o(l-a/4-B)2)
= /4 B2 and Q= 5 (3.32)

where H, (z) is the exact bilinear-transformed result of H(s) given by Equation (3.19).
The system coefficients o and 3 are given by

4 B= o , with X (z)=1+ 2 + 4
@70 (w,T)

(3.31)

(04

(3.33)

2

"X ™ PTaon0

Ki and Temes [15] demonstrated that both ¢ and 8 can be found in terms of
capacitance ratios rather than individual capacitances. Thus, based on the preceding
development, we conclude that for a given 7, both Q and @, can be controlled by
simply adjusting capacitance ratios in the circuit. In addition, from Equation (3.33)
we find out that o and f3 are indeed correlated to each other, and o« — (@,T)* and 3
— (w,T/Q) given a high sampling rate (w,7T << 1).

Interestingly enough, Equations (3.32) and (3.33) indicate that Q and @, cannot
be adjusted independently, making the SC filter discussed earlier unsuitable for
applications such as adaptive filter and vocal tracking. As a solution, Allstot et al.
[16] proposed a parametric programmable SC filter implementation. The basic mech-
anism of the filter is described as follows: the independent programmability of Q and
@, 1s obtained by scaling the equivalent resistance R of the filter such that R = 1/Q,
which in essence removes the inherent correlation between Q and w,. In addition,
two different types of programmable capacitor arrays are used to implement the
parametric control (a binary-weighted type for programming Q and G; a logarithmic
type for programming @), thereby further separating Q and w,.

However, the usage of programmable capacitor arrays inevitably increases the
total silicon area and power consumption. Also, if a high quality factor is required
(Q >> 1), the switched capacitor required to implement the 1/Q impedance becomes
quite small, making it difficult to keep the capacitance spread as close to minimum
as possible (note that capacitance spread is the ratio of the largest to the smallest
capacitance, which affects the total silicon area and accuracy of capacitor matching).
Although several novel modifications have been reported to circumvent these draw-
backs [17][18], the results are not comparable to that of fully digital adaptive filters
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in terms of cost and performance. As a result, we are not going to study parametric
programmable SC filters in detail; the interested reader is referred to [16][17][18][19].
Sometimes a programmable capacitor array may also be used as the input stage for
binary-weighted data converters.

Lastly, it can be proved that the maximum magnitude/voltage gain (G) of an
SC biquad also depends on capacitance ratios (assuming 7 is a constant). For the
sake of brevity, the proof is left to the interested reader as an exercise (Hint:
Consider the dimensions of system coefficients such as o and 3 [20]). As a rule of
thumb in practice, for band-pass, low-Q (Q < 1/ J2) low-pass, and low-Q high-pass
biquads, the maximum gain is normalized to unity; while for high-Q (Q > 3)
low-pass and high-Q high-pass biquads, the maximum gain is given by G = 0
[13][15][21].

To conclude, Section 3.2 explored various SC resistor simulations and their
advantages over the conventional diffused resistor implementation. The relationships
of several circuit performance parameters with respect to capacitance ratios were
explained. The discussion emphasized that capacitance ratios play a critical role in
the frequency and magnitude characterizations of an SC circuit. The subject of the
next section is one of the most important active elements for building filters and data
converters—the SC integrator.

3.3 Switched-Capacitor Integrators

Parasitic-Sensitive SC Integrators

One of the most important building blocks in a continuous-time active-RC filter is
the inverting analog integrator, which is illustrated in Figure 3.2(a). It is assumed
that all the op-amps used in this section are ideal—that is, dc-offset-free, with
infinite gain and bandwidth, powered by sufficient supply voltages and so on. The
time-domain expression of the circuit is given by
1
Vou (1) = =22

0~0

[ v (o)ar (3.34)

Utilizing the Laplace-transform, we obtain the s-domain transfer function of the
active-RC integrator as follows:
1 1 O_345

H(s)= Vo (9) =— or H(jow)=--— =—— (3.35)
V., (s) sR,C, JORC, Jo
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where @_; 45 1s the =3 dB frequency, and it can be shown that the magnitude response
and phase shift of the active-RC integrator are given by (w_;43/®) and 7/2,
respectively.

The simplest way to realize an SC integrator is to replace the resistor R, in the
active-RC integrator with one of the SC simulations introduced in the previous
section. Ideally, the resulting SC integrator should retain the magnitude of (@_; 3/ ®)
as well as the phase shift of /2. However, we will see later that an SC integrator
only approximates its continuous-time counterpart.

Before delving into the analysis of the SC integrator, as a convention, we define
the sampling instants by the end of clock phase @, to be (n — 1)T, nT, (n+1)7, and so
on (7 is the clock period), whereas those by the end of clock phase @, are deemed to
be (n — 3/2)T, (n — 1/2)T, (n + 1/2)T, and so on. This denotation of the nonoverlap-
ping clock facilitates the writing of difference equations. Nevertheless, in most cases
it is not important that the falling edge of @, be precisely half-T apart from that of
®,, as long as the duration of each clock phase is long enough for the signal to settle
properly. Lastly, we denote a switch that is on when @, = 1 (®, = 1) to be a O, (D)
switch for convenience.

The circuit in Figure 3.2(b) is called the parasitic-sensitive bilinear SC integra-
tor for it is the result of replacing the resistor R, with the bilinear simulation in
Figure 3.1(a), and as we will see later, its performance is sensitive to parasitic capaci-
tances in the circuit. The input is a sampled-and-held signal clocked at 2f.; (sampled
when @, is on). Note that a ®, switch, which is turned on when ®, = 1, is added
before the output, and thus the output jumps only when ®, — 1. This extra ®,
switch also indicates that the subsequent circuitry should sample the integrator’s
output when @, = 1. Alternatively this switch can be turned on when @, = 1;
however, this change simply introduces a delay element.

The next step is to derive the z-domain transfer function of the bilinear integra-
tor. To simplify the analysis, let us ignore all parasitic capacitances for the moment.
We shall understand the effects of parasitic capacitances on the transfer function
shortly. Recalling Equation (3.9) and assuming V} is equal to V,,, we rewrite
Equation (3.9) to
1

V,(z)= C%%n(z) (3.36)

1+z7!

Q(x)=C1 5

where Q (z) is the charge transferred from the input to the top plate of the feedback
capacitor (Cy) every half clock cycle (i.e., 7/2). Apparently, this charge will build a
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voltage across C,, whose polarity is always opposite to that of V,,,. Hence, we obtain
the following equations:

__0@)_ Cz+l Voul2) __ C 1+
out( ) CO C m( ) BL( ) m( ) Col—Z_l

One thing to remember here is that in both Equations (3.36) and (3.37), z = ¢/“"">.
This is due to the fact that the effective clock period of a bilinear SC circuit is
indeed 772 (i.e., all the switches operate at 2f.;). As a consequence, a time delay of
772 is equivalent to a full-cycle delay to the bilinear SC integrator. This is a unique
property of the bilinear SC integrator since other integrators (e.g., Euler) are nor-
mally clocked at f.

(3.37)

The inquisitive reader may ask about how to derive the z-domain transfer func-
tion of an SC integrator based on its charge transfer behavior in the time domain. In
the following context, the parasitic-sensitive parallel SC integrator in Figure 3.2(c)
is used as an example to demonstrate how this is done. Similar to the bilinear SC
integrator, an extra @, switch is added before the output of the parallel SC integrator
(i.e., the output changes only when @, = 1). Hence, the subsequent circuitry should
sample the integrator’s output on @;.

To simplify the analysis, all parasitic capacitances (including C,,) are ignored
for the moment. Once @, is off, the charge on the feedback capacitor C, will
remain the same till @, is on again. In other words, the charge on C, at the
instant nT (i.e., by the end of @,) is equal to that at the instant (nT — 7/2) (i.e.,
by the end of the previous ®,), hence we can write the following difference
equation:

C,V,,(nT)=C,V, (nT-T/2) (3.38)

Similarly, at time (nT — T), C is charged to CV,,(nT — T). Next, ®, is off and ®,
is on; this charge CV,,(nT — T) is thus sent to Cy and combined with the existing
charge across Cy, which is given by C,V,,,(nT — T). The outcome is the charge
CoV,..(nT — T/2). Note that the polarity of CV,,(nT — T) is opposite to that of
CoV,..(nT — T). In view of the charge behavior of the integrator from (n — 1)7T till (n
— 1/2)T, we obtain the following charge equation:

(nT-T)-CV, (nT-T)=C,V,

out

(nT-T/2) (3.39)

aut in out

Combine Equatlons (3.38) and (3.39), and apply the z-transform to both sides of
the resulting difference equation. We get
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We can then write the transfer function:
|% Cc 1 Cc 7!
HFE(z)=L(Z)=———=—— < (3.41)

v, (2) Gy z-1 Co1-2""

Utilizing well-known principles such as C = T/R,, z = ¢/*", we can find
that for frequencies much lower than the clock sampling frequency (i.e., o << 1),
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Equation (3.41) approximates the transfer function of an ideal continuous-time active-
RC integrator, whose transfer function is given by Equation (3.35).

EXAMPLE 3.1

Determine the corresponding phase shifts of the ideal (parasitic-free) bilinear and
parallel SC integrators based on Equations (3.37) and (3.41), respectively. Explain
why the latter is called the forward-Euler integrator (FEI).

Solution: Replacing z by ¢/" in both equations, we notice that

: C l+e " C /12 4 0T/
Hy (eij) = _C_o 1—eJoT = _C_o pJOT/2 _ p=ioT]2 (342)
and
" C e JoT C e—ij/z

Applying the well-known Euler’s formula to these results, we have

ar
Hy, (eij) — _ZCOJL.(%) (3.44)
w oT \ j
tan—
2
and
ory_ D3 2 e /T
H (™) = o . o ( j (3.45)
SiIn——

where w_;,3 = C/TC, (-3 dB frequency). From elementary signals and systems
courses, we know that the phase shift of each transfer function is determined by the
term in parentheses:

ArgHy, (") = Arg(l') = % (3.46)
J

and

275 (3.47)

e ) x ol
J

ArgH p; (e”") EArg(
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Comparing the preceding four equations with Equation (3.35), which describes an
ideal inverting analog integrator, we find that the bilinear SC integrator has
introduced a gain nonlinearity error but no phase error, whereas the parallel SC
integrator has introduced both a gain nonlinearity error and a phase lag. These errors
are functions of @7 and can be ignored when w7 << 1. Given the same pole
frequency @, and clock sampling period 7, the bilinear integrator’s magnitude gain is
approximately twice that of the parallel SC integrator (both are sampled at a low
frequency). However, given a fixed 7, as the frequency of interest @ increases, gain
and phase errors become increasingly problematic. Note that the denotation 7 in
Equation (3.44) represents the effective clock period of a bilinear SC integrator.

Substituting R, in Equation (3.35) with the expression of its parallel SC simula-
tion, we can rewrite H(s) in terms of C,, C, and 7. Associate the revised H(s) with
H(z) given by Equation (3.41), and we have

z—1
§—— 3.48
T (3.48)
This is known as the forward-Euler mapping formula and explains why this SC
integrator is called the forward-Euler integrator.

What if the output jumps when @, — 1 in Figure 3.2(c)? Without writing tedious
charge equations, we can see that the output is advanced by half 7" in time, which in
the frequency domain essentially means adding a leading element of (z"?). The new
transfer function is thus given by

£ Z—1/2 __£ Z1/2
C,1-z" ¢, z-1

Hpy (Z):HFE(Z)‘ZI/ZZ_ (3.49)

An SC integrator with such half-delay property is called an inverting Type I or
forward-Euler lossless discrete integrator (LDI), which was introduced by Bruton
[22]. It can be found by using the approach of Example 3.1 that the phase shift of
this LDI is equal to 7/2. In practice, LDI is especially useful for realizing a single-
cycle (i.e., z') loop delay in a fully differential SC circuit.

Thus far we have ignored the parasitic capacitances in Figures 3.2(b) and (c).
Now that we have obtained their ideal (i.e., parasitic-free) transfer functions, we shall
take the effects of parasitic capacitances into consideration. Let us start with Figure
3.2(b), where only one parasitic capacitance C,; is shown. Note that C,; consists of
the parasitic capacitance of the top plate of C as well as the nonlinear capacitances
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associated with the two MOSFET switches. Apparently, C,, is not the only parasitic
capacitance residing in the circuit; however, it is more troublesome than the others.
For example, the parasitic capacitance between the integrator’s input V;, and ground
is neutralized—that is, the electric charge on it plays no role in the signal transmis-
sion path and has no effect on the transfer function. This is because ideally V,, is
from a voltage-controlled voltage source (VCVS) and its nodal impedance is very
low [20][21].

Similar arguments apply to the parasitic capacitance on the bottom plate of C,
which is connected to either V;, or ground. In addition, the parasitic capacitance at
the virtual ground of the op-amp is negligible if an ideal op-amp is assumed.

To investigate the effect of C,; on the integrator’s transfer function, we employ
the principle of superposition. The circuit in Figure 3.2(b) can be decomposed into
two subcircuits: an ideal (i.e., parasitic-free) bilinear SC integrator with a switched
capacitor of C and a parallel SC integrator with a switched capacitor of C,,. However,
it should be noticed that in the latter, all switches now change positions practically
twice every 7, the input is sampled and held at a clock rate of 2f.,, and the output
jumps only when @, — 1! (Recall what we just learned from Equation (3.49) and the
standard rule of z = ¢“"? in bilinear SC circuits.)

Taking the preceding into full account, we can substitute C in Equation (3.41)
with C,; and multiply the equation by a leading factor (i.e., z). Combining the result
with Equation (3.37), we obtain the transfer function of the parasitic-sensitive bilin-
ear SC integrator, which is given by

S

C -1 C 1+7"! c+C 1+C+C ¢
Ho()=[_Cn 2 ) +(__ z )=_( Pl). p 3.50
5(2) ( C,1-7" < Col-z2" C, 1 ( )

Comparing this with Equation (3.37), we realize that C,, introduces both magni-
tude and phase errors. In a standard CMOS, C,,; is normally on the order of 0.05 pF,
or up to 1% of the desired capacitance C (when C > 10pF), and it varies with tem-
perature. Thus, in this situation, to achieve a 1% accuracy of C, we must specify the
capacitance C to be at least 5 pF, which leads to a C, as large as 50 pF (for w7 = 0.1)!
Furthermore, if a larger time constant is required (e.g., @7 = 0.01), then the size of
C, will become inapplicably large for monolithic realizations, and as the result, extra
capacitance-spread reduction techniques will be required.

In many cases, the exact mathematical analyses of SC circuits are quite tedious,
and computer-based simulation tools are employed. SWITCAP [23] is one of many
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well-established above-transistor-level SC circuit simulation programs. At this point,
a good exercise for the interested reader may be to simulate using SWITCAP the
parasitic-sensitive bilinear SC integrator (for Co = 5pF, C = 0.5pF, C,; = 0.05pF, f;, =
48kHz, and f., = 1.2MHz), plot the frequency responses (with and without C,,,
respectively) between 1 and 600kHz, and utilize the results to verify Equation
(3.50). For the sake of brevity, the illustrations are waived here; however, the
SWITCAP source codes are provided in Appendix 3.1 as a reference.

In accounting for all the parasitic capacitances of the circuit shown in Figure
3.2(c), we adopt the arguments used in the bilinear integrator case, and we find that
all parasitic capacitances, except for C,,, do not affect the operation of the circuit.
Since C,; is in parallel with C, their capacitances can be added up. Substituting C in
Equation (3.41) with (C,; + C), we obtain the transfer function of the parasitic-
sensitive parallel SC integrator, which is given by

C nt Cc 7!

Hy (z7)=——2"=
FEp(Z) CO I—Z_l

(3.51)

The circuit in Figure 3.2(d) is called the parasitic-sensitive series SC integrator.
Ignoring parasitic capacitances for the moment and assuming the output jumps only
when @, — 1, we find the transfer function of this integrator to be

c 1
Hy(z)=——
BE ( ) CO 1_ Z_l

Adopting the approach of Example 3.1, we can show that the preceding integrator

facilitates the following s-to-z transformation:

(3.52)

11—z
T

5 — (3.53)
Thus, it is often referred to as the backward-Euler integrator (BEI). And the

phase shift of the integrator can be found to be

elot! 2) T T

ArgHBE(e’“’T)EArg( — |==+ (3.54)
Jj 2 2

Furthermore, if the output jumps when @, — 1, from Equation (3.52) we can
derive an inverting Type Il or backward-Euler lossless discrete integrator (LDI), as
reported by Bruton [22]. And the transfer function is given by

c 77 C 7

Hypy g (2)=Hg (Z)'Z_l/zz_co -z - C,z—-1 (3.55)
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It can be seen that this is identical to Equation (3.49). Thus, this LDI also has a
phase shift of 7/2.

To investigate the behavior of the series SC integrator with respect to C,; (i.e., the
only parasitic capacitance that matters), we again employ the principle of superposi-
tion. The circuit shown in Figure 3.2(d) is essentially composed of two subcircuits:
an ideal series SC integrator with a switched capacitor of C and an ideal parallel SC
integrator with a switched capacitor of C,;. Note that the outputs of both circuits
jump only when ®; — 1. From Equations (3.41) and (3.52) we can obtain the transfer
function of the parasitic-sensitive series SC integrator, which is given by

C, c 1 c 1+ 2t
He (2)= __psz_)+(__ )=_(_).L 3.56
o (2) ( Co1-z') U c1-z1)" ¢/ 1-2 520

Thus, C,; causes the zero to deviate from the desired location. The interested
reader is encouraged to simulate the parasitic-sensitive integrator in Figure 3.2(d)
using tools such as SWITCAP and verify the transfer function derived here.

Parasitic-Insensitive SC Integrators

Thus far all the SC integrators that we have seen are parasitic sensitive. That is, their
transfer functions are affected by certain parasitic capacitances, which is highly
undesirable because these parasitic capacitances are not well controlled and can
cause errors so serious that the consequent penalty may fail the overall IC design
(e.g., the large capacitance Cj).

To overcome this deficiency, researchers have come up with some ingenious
solutions, such as the parasitic-insensitive parallel SC integrator reported by Jacobs et
al. [8] in Figure 3.3(a), the parasitic-insensitive series SC integrator reported by
Martin [9] in Figure 3.3(b), and the parasitic-insensitive bilinear integrator reported
by Knob [24] in Figure 3.3(c). Note that in these schematics, the outputs of the
integrators jump only when ®;, — 1, and the input of Figure 3.3(c) shall be a
sampled-and-held signal (sampled when @, is on). All op-amps used here are ideal.

Looking into the first integrator in Figure 3.3(a), we focus on the parasitic capaci-
tance C,;, since the other parasitic capacitances in the circuit can be immediately
discarded by repeating the same arguments as before. When @, is on (®, = 1), C,; is
connected with C in parallel, and both capacitors are charged to the instantaneous
input voltage. When @, is on (®, = 1), different from C, C,; will pass no electric
charge through the feedback capacitor C, to the output, because both of its plates are
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Figure 3.3 (a) Parasitic-insensitive parallel SC integrator. (b) Parasitic-insensitive
series SC integrator. (c) Parasitic-insensitive bilinear SC integrator. (d) Parasitic-
compensating SC integrator. Only the troublesome parasitic capacitances are shown
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connected to ground (i.e., it is neutralized). Thus, C,; does not affect the transfer
function, and the integrator is parasitic insensitive.

It is instructive to compare this integrator with the parasitic-sensitive parallel SC
integrator illustrated in Figure 3.2(c). Interestingly enough, it can be found by
inspection that besides a few changes in nodal and switch configurations, the key
difference between these two integrators lies in the polarity of the net charge trans-
ferred from V,, to V,,,.. This difference is due to the following: during ®, on, in
Figure 3.2(c) the input V,, is charged onto the top plate of C, while in Figure 3.3(a)
the input is charged onto the bottom plate of C. Since the polarity of the transfer
function is determined by that of the net charge, we can conclude that the transfer
function of this integrator, as shown in Figure 3.3(a), has a sign opposite to that of
the transfer function given by Equation (3.41)—that is, the circuit realizes a non-
inverting and parasitic-insensitive FEI. The transfer function is thus given by

c 77!
Hl(z)z—HFE(z)=C—O —— (3.57)
With this sign change, the phase shift of this integrator is
. . T
ArgH, (" )= ArgH . (/" )— 1t = —g—% (3.58)

Note that in Figure 3.3(a), V;, and V,,, are never coupled in series. Thus, the
circuit is essentially a parallel SC integrator that is parasitic insensitive, hence the
name parasitic-insensitive parallel SC integrator. In addition, if the output jumps only
when ®, — 1, then a noninverting and parasitic-insensitive Type I LDI results, which
has a phase shift of (—7/2).

Likewise, the transfer function of the parasitic-insensitive series SC integrator
shown in Figure 3.3(b) can be derived through a comparison between itself and the
parasitic-sensitive series SC integrator in Figure 3.2(d) (Hint: Consider the “®,”
switches in both circuits). As we can find out, ideally these two integrators have
identical transfer functions; in other words, they both are inverting BEIs, with
one being parasitic sensitive and the other not. The derivation of its transfer
function is left to the interested reader as an exercise. The result is provided in the
following:

1
1-z7"

-C
H,(2)=Hp (2)= — (3.59)
Co
And the phase shift of this integrator is
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. , oT
ArgH, (" )= ArgH y; (/") = g + > (3.60)
If the output of the integrator jumps only when @, — 1, then the circuit realizes
an inverting and parasitic-insensitive Type II LDI, whose phase shift is equal to /2.
However, it should be noticed that the noninverting and parasitic-insensitive BEI (and
Type II LDI) are not realizable by any single-ended SC circuits.

Comparing Equation (3.60) with Equation (3.58), we realize that the overall
phase shift can be canceled out (i.e., zero phase shift) by cascading these two
parasitic-insensitive integrators. This is useful for building a frequency-tuning circuit
with zero loop-phase-shift such as an LDI resonator or a ring oscillator, which is
widely used in band-pass systems.

Figure 3.3(c) illustrates a parasitic-insensitive bilinear SC integrator in its invert-
ing version. A noninverting version can be realized if the four switches near the
virtual ground are controlled by the clock phases in parentheses. By inspection we
realize that these two circuits basically utilize the previous parasitic-insensitive
techniques to deal with the effects of parasitic capacitances. For example, the invert-
ing bilinear integrator is the result of substituting the bilinear SC input or sampling
stage used in Figure 3.2(b) with two complementary versions of the series SC resis-
tor simulation seen in Figure 3.3(b), one of which is working in the even (®, = 1)
phase and the other in the odd (®, = 1) phase. This configuration is equivalent to
superposing two subcircuits: a parasitic-insensitive series integrator shown in Figure
3.3(b) and its half-T" delayed version. Therefore, utilizing Equation (3.59), we can
write the transfer function of the parasitic-insensitive bilinear inverting integrator,
which is given by

£1+z_1
C,1-z7"

H,(z)=H,(z)-(1+z7")=- (3.61)

Note that in the foregoing equation, z = ¢/*"’* as before. The transfer function of
the parasitic-insensitive bilinear noninverting integrator can be found in a similar
manner by superposing the parasitic-insensitive parallel integrator shown in Figure
3.3(a) and its half-T delayed version. The derivation is left to the reader as an exer-
cise. As a further step, it will be an insight-gaining experience for the interested
reader to prove all the transfer functions derived here by investigating the charge
equations in detail.

Finally, it can be shown that the parallel-type (also called toggle) SC input stage,
for example, as in Figure 3.2(c) or 3.3(a), has an inherent sample-and-hold (S&H).
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This feature is desirable in practice because it helps circuit designers save a dedi-
cated S&H at the input.

Thanks to the inherent S&H property, the aforementioned parallel SC integrators
are less sensitive to the transient responses of practical op-amps, in comparison with
their series SC counterparts shown in Figures 3.2(d) and 3.3(b). To understand this,
consider a situation in which V;, is a continuous-time signal, and no dedicated S&H
or buffer is provided at the input. We can see that in both series SC integrators
(parasitic-sensitive and insensitive), V;, is charged directly to the inverting input of
the op-amp during ®,. Although thus far it has been assumed that the op-amps used
here are ideal (i.e., with perfectly fast settling), in practice they are not. As a result,
the unbuffered V;, may not be settled by the op-amp to a sufficient extent within a
single phase (®, or ®,), thereby distorting the output signal. The output distortion
due to insufficient settling becomes more pronounced for higher-frequency input
signals. In a word, in the absence of a dedicated S&H at the input, the parallel
integrator is superior to its series counterpart for it can buffer the practical op-amp
inherently.

On the other hand, among all the integrators that we have seen so far, only the
one in Figure 3.3(a) is of parallel type and parasitic insensitive. Moreover, it can only
realize transfer functions of the noninverting and delaying integrators, such as that
given by Equation (3.57), which are often not adequate in practice (for single-ended
SC designs in particular since they do not have the flexibility of cross-coupling op-
amps’ input or output wires for sign changes, whereas fully differential designs do).

To provide more design options, Fleischer et al. [25] presented an ingenious
parasitic-compensating structure, as shown in Figure 3.3(d), where two different
toggle switched capacitors are connected in tandem to form a new input stage.
Apparently, the inherent S&H quality is maintained as before. In addition, it is
proved that the integrator can be made parasitic insensitive by carefully matching the
layout of the two switched capacitors, such that their top-plate parasitic capacitances
cancel each other out—that is, C,s = C,6 [25]. Furthermore, this parasitic-insensitive
structure can be used to realize inverting and delaying integrators such as the
following:

c 7! c 772

Hy (Z):_C_Ol—z_l and HM_LDI(Z):_C_Ol_Z—l

(3.62)

where H), (z) has a full delay in the forward signal path, and Hy, ;p; (z) is an invert-
ing LDI with a half delay.
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Alternatively, we may create a noninverting integrator by simply swapping the
two switches near the virtual ground in Figure 3.3(d) (i.e., using the clock phases in
parentheses). However, comparing Equations (3.62) and (3.57), we realize that this
parasitic-compensated integrator basically clones the transfer function of the circuit
presented in Figure 3.3(a), yet at the cost of more switches and larger capacitors.
Thus, it is seldom used in practice.

Making use of the inherent S&H property and the parasitic-compensating
concept developed earlier, researchers have created a few interesting parasitic-
compensated bilinear SC integrators. One applicable example was reported by
Eriksson and Akhlaghi [26]. In addition to saving a dedicated S&H circuit at the
input, the circuit of [26] realizes a noninverting bilinear SC integrator. From
Equation (3.61), we can derive the integrator’s transfer function, which is given by

Cl1+z7"
H z)=—H,(z2)=—
() =~Ha(2)= 17
where z = ¢/*"? as before. The interested reader is referred to [26] for more circuit
details.

(3.63)

In summary, Equations (3.57), (3.59), and (3.61-3.63) represent all the possible
parasitic-insensitive single-ended SC integrators. These transfer functions can be
realized by the corresponding parasitic-insensitive single-ended structures, which are
illustrated respectively in Figure 3.3(a—d), except that for realizing Equation (3.63)
[26]. In addition, we found that the noninverting and parasitic-insensitive BEI and
Type II LDI cannot be realized by any of the single-ended SC circuits derived
earlier. However, as we shall see shortly, they can be easily realized by fully differ-
ential SC circuits.

Fully Differential Integrators

Fully differential integrators are more popular than the single-ended ones in modern
SC circuits because they not only improve the circuit’s common-mode noise (e.g.,
power supply noise, voltage offsets) performance, but also facilitate the sign changes
for transfer functions through simple wire-crossing operations.

A standard fully differential Euler SC integrator is shown in Figure 3.4(a). As we
can see, the circuit is composed of the integrator in Figure 3.3(a) and its horizontally
flipped-over duplicate. In general, a fully differential SC integrator is built to be
parasitic insensitive by default since it is usually a combination of two (or more)
parasitic-insensitive single-ended subcircuits.
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It can be proved that if both the input and output are sampled when @, = 1 (as
illustrated in the schematic), the resulting transfer function will be given by Equation
(3.57). On the other hand, if the output is sampled when @, = 1, the delay element
(z") in the numerator of Equation (3.57) will be removed. In other words, depending
on the sampling moments of the input and output, the circuit in Figure 3.4(a) may
realize either a forward- (FEI) or backward-Euler integrator (BEI).

Furthermore, by simply cross-wiring the two output nodes (i.e., swapping V,,,,
and V,,,), we can achieve sign inversions for the transfer functions derived earlier.
This feature indicates that the noninverting BEI and Type II LDI can now be real-
ized based on the differential SC circuit shown in Figure 3.4(a). The interested
reader is encouraged to prove this statement.

Note that in Figure 3.4(a), both nodes A and B are shown to be connected to
ground. In practice, however, they are seldom connected to ground or with each
other. Rather, node A is literally divided into two nodes, one for the upper part and
the other for the lower part of the circuit. The former is connected to a positive
reference voltage V.4, and the latter is connected to a negative reference voltage V..
In effect, the voltage difference between the input V,,,,, and reference V., ) will be
sampled by the capacitor C. Alternately, the positive and negative references can be
connected respectively to nodes C and D, rather than to upper and lower A nodes.
There are give-and-take performance tradeoffs between these sampling configura-
tions in terms of sampling noise and input-dependent signal leakage to the feedback
path [27]. Thus, they have been seen equally often in practice.

In addition, the differential reference (i.e., V,.r = V., — Vi) 15 Often used to
specify the dynamic range requirement for the circuit. In practice, V,, is often set to
(or slightly less than) half the power supply voltage for enabling all switches to
operate properly.

As for node B, it is usually connected to a voltage source V,,, which can be
adjusted conveniently through an on-chip regulator or a biasing circuit. The ultimate
goal of adjusting Vi, is to ensure the following common-mode voltage tracking
condition is met [28][29]:

Ve — CCM2 =Veus— Vems (3.64)

Here, V¢, is the input-common mode voltage of the op-amp, and V¢y; and Vi
are the common-mode voltages of V;, and V,,., respectively.

Similar rules of thumb apply to the fully differential integrator shown in Figure
3.4(b). However, compared to the preceding, this circuit is more desirable for its
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Figure 3.4 (a) Fully
differential Euler SC
integrator. (b) Fully
differential bilinear/
forward-Euler SC

integrator. (c) Double-
sampled fully differential

bilinear/Euler SC
integrator. (d) Fully

differential SC integrator
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differential convertibility.
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capability of realizing both parasitic-insensitive bilinear and forward-Euler integra-
tors [30]. Specifically, if both the input and output are sampled when ®; = 1 (as
illustrated in the schematic), the circuit realizes a bilinear SC integrator, whose
transfer function may be identical to that given by Equation (3.61) or (3.63), depend-
ing on whether or not output cross-wiring is used. On the other hand, if the input
and output are sampled when @, = 1 and @, = 1, respectively, then the circuit real-
izes the following forward-Euler integrating function (inverting or noninverting):

2C 7

HBLFE(Z): iC_Ol—Z_l

(3.65)
Note that in both cases (bilinear and forward-Euler), z = ¢’ since the effective
clock period is 7/2 as before (i.e., all switches operate at a clock frequency of 2f.;).
In practice, it is desirable to reduce the clock frequency for the sake of low power.
One interesting solution is to duplicate the SC input stage in Figure 3.4(b) and
connect it to the original one such that the resulting circuit is double-sampled,
meaning that the circuit’s input is equivalently sampled at 2f,; although the actual
clock frequency is only f;; [30]. A double-sampled fully differential SC integrator is
shown in Figure 3.4(c). In the following example, we derive its transfer function
using the superposition concept.

EXAMPLE 3.2

Assuming both the input and output are sampled when @, = 1 and the clock
frequency is f.;, show that the circuit in Figure 3.4(c) realizes a double-sampled
bilinear integrator.

Solution: Based on the superposition concept, the integrator in Figure 3.4(c) can be
decomposed into four fully differential subintegrators, whose transfer functions are
equivalent to those of a BEI, a Type II LDI, a Type I LDI, and a FEI, respectively
(all four transfer functions are inverting). Although the two LDIs have identical
transfer functions, it is instructive to draw a distinction between them (i.e., Type 11
and I), since their corresponding realizations (subintegrators) are different. Utilizing
the results that we have derived thus far, we can obtain the subintegrators’ transfer
functions, which are listed as follows:

__¢c 1 __¢c "
BEI C, 1—Z71 s LDI _II C, 1—Z71 s
C -1/2 C -1
Hip j=—— < K FEI = — < 1
- Col—-z" Col-2z"
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Combining all four transfer functions, we have
H(z)=Hpyy + Hyp g+Hypy ‘tHpg=——"—"—"7—= __T (3.66)
0

Note that all the switches operate at f,,—that is, the effective clock period is 7,
in the preceding equation z = ¢/*", and as a result, z, = z"/> = ¢/, Substituting z'*
with its new denotation z,, we can rewrite the transfer function to
C 1+z!

H(z)=-—

e, where z, = ¢/*"/? (3.67)
01—

The preceding transfer function has the same format as that given by Equation
(3.61), thus the circuit in Figure 3.4(c) also realizes a bilinear SC integrator.
However, in comparison with all the other bilinear integrators that we have seen so
far, this integrator manages to realize the same bilinear transfer function while being
sampled at only one-half the clock frequency, thereby alleviating the speed and
power requirements.

Double-sampled SC integrators are widely used in sampled-data signal processing
circuits such as delta-sigma (or AX) data converters (see Chapter 5), where the
resulting oversampling ratio (OSR) can be reduced by half. A good design example
of a delta-sigma A/D converter based on double-sampled SC integrators was reported
by Senderowicz et al. [31].

Sometimes the input may be a single-ended signal. In this case, to utilize one of
the fully differential integrators discussed earlier, we need to precede the integrator
with a dedicated single-ended-to-differential converter. Alternatively, we can use the
circuit shown in Figure 3.4(d), which is essentially an SC integrator with an inherent
single-ended-to-differential converter. As shown in the schematic, assuming both the
input and output are sampled when @, = 1, the upper half portion of the circuit
realizes a noninverting FEI (V,,,,/Vy;,), while the lower half portion realizes an
inverting BEI (V,,,,/V,;,,) and accomplishes the sign inversion. Since the output V,,, is
differential and V,,,/V, = (Vousp — Voum)! Vi, 1t can be shown that the circuit realizes a
noninverting and parasitic-insensitive bilinear SC integrator. The clock phases in
parentheses are optional and can be used to control the corresponding switches so
that the realized transfer function will have a full delay (i.e., 7). Note that this
design of single-ended-to-differential SC integrator is not unique, and the reader is
referred to the literature for alternatives.
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To conclude, we have combed through various types of SC integrators, including
parasitic-sensitive/insensitive single-ended integrators, and fully differential integra-
tors. However, note that there are many other feasible SC integrator realizations than
what have been presented here, such as damping (lossy) SC integrators [30] and
very-large-time-constant (VLTC) SC integrators [32][33]. Different realizations lay
emphasis on resolving different design issues. The reader is referred to the literature
for more design examples.

Finally, recall that all the op-amps used earlier are ideal—that is, the errors due
to dc offset voltage, finite op-amp gain and bandwidth, low-voltage power supply, and
so on, have not been taken into account yet! In Chapter 7, the design techniques able
to overcome these deficiencies will be described in detail.

3.4 CMOS Sample-and-Hold Circuits

In this section we study basic CMOS sample-and-hold (S&H) circuits. The S&H is
an essential active building block of many sampled-data circuits and systems, the
majority of which are A/D converters (ADC).

Very often, an S&H serves as a front-end circuit that captures or samples the
value of the analog input signal at the sampling instant and holds it for a certain
time interval, within which the ADC accomplishes a cycle of digitization operation,
hence the name sample-and-hold. What’s more, an S&H capable of tracking the
input signal—that is, a track-and-hold (T&H)—is often required in practice. In a
T&H, the output tracks the input during the sampling or tracking mode and holds
the sampled value at the end of the sampling/tracking mode through the subsequent
holding mode until the next sampling instant, hence the name track-and-hold.

In comparison with the sample-and-hold, the T&H dedicates a prescribed time
interval (e.g., half the clock period) to tracking the input signal. Except for very high
frequency applications (e.g., wireless or wireline communications), most sampling
circuits operate as in the T&H scheme [34]. Nevertheless, in this book we will keep
using the conventional denotation of sample-and-hold (S&H).

A simple S&H is shown in Figure 3.5. V,, is the input signal, M, is the sampling
switch that samples the input signal, C,, is the holding capacitor that holds the
sampled voltage, clk is the clock signal, and V,,, is the output signal. The sampling
switch M, can be implemented as a MOS (either NMOS or PMOS) transistor, a
CMOS (a combination of NMOS and PMOS) transmission gate, a GaAs transistor or
a diode bridge, and so on. In this book, only low-cost MOS transistors and CMOS
transmission gates are considered for implementing the switches.
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Figure 3.5 Open-loop S&H with input and output voltage buffers.

In the schematic, A, is the input voltage buffer that prevents the input from being
affected by the switching transient due to the switched-capacitor (i.e., M; and C,)
operations, and A, is the output voltage buffer that protects the voltage held by C,
from being corrupted by the transient in the subsequent circuit during the holding
mode.

The operation of the S&H circuit is described as follows: During the sampling
mode, the sampling switch M, is turned on, and the input voltage V;, is sampled onto
C,,. During the holding mode, the sampling switch is turned off such that the connec-
tion between the hold capacitor’s top plate and the input is broken. Ideally the capaci-
tor voltage V,,, will remain at the last value of V,, before M, is turned off until it is
turned on again. The time intervals of the sampling and holding modes are con-
trolled by the system clock, clk.

In practice, component imperfections including nonzero on-resistance of the
sampling switch M, charge injection, dc offset, and speed limitations of the input/
output buffers would introduce various types of inaccuracies to the S&H circuit. To
evaluate these inaccuracies, it is necessary to define the critical performance param-
eters of the S&H circuit, which is the subject of the following subsection.

Performance Parameters

In this subsection, several critical performance parameters of an S&H will be
defined. Among these parameters, whether or not one has a higher priority over
another greatly depends on the specific application that the S&H circuit is used for
[34].

Acquisition time is the time interval from the beginning of sampling mode to the
moment when the voltage across C), settles within a specified error range of the input
signal level, such as 0.1% or 0.01%. Acquisition time is a dynamic (also known as
ac) parameter representing how fast the input signal can be successfully tracked. In
practice, acquisition time is determined by the settling performance of A,, the on-
resistance of M, the holding capacitor C;,, and the input impedance of A,. Since the
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characteristic of acquisition time is quite similar to that of settling time, it is also
referred to as sampling-mode settling time.

Holding-mode settling time is the time interval from the beginning of holding
mode to the moment when the output voltage V,,, settles within a specified error
range of its final value, such as 0.1% or 0.01%. Holding-mode settling time is also a
dynamic parameter, and it is determined by the settling performance of A..

Aperture jitter or aperture uncertainty is perhaps the most critical dynamic
parameter of an S&H circuit, especially for high-speed applications. It is defined as
the random variation in the time required for the sampling switch M, to effectively
turn on or off once a sampling or holding command is asserted. Aperture jitter is
mainly due to the jitter in the clock signal, which controls the open/close operations
of M,.

In effect, aperture jitter contributes to the errors in the output signal and hence
degrades the overall signal-to-noise ratio (SNR). Specifically, consider a sinusoid
input V,,(f) = A-sin(2xff) sampled at instants t =nT + o, n=1, 2, 3, ..., where o is
the instantaneous aperture jitter observed after n7. With ¢ deviating from its ideal
spot by o, it can be shown that the error in the sampled voltage is proportional to the
slope of the input waveform (i.e., dV,,/dt). Thus, the error voltage due to o can be
expressed as

dv;#t(t)‘:A'27r-f-0'-|cos(27r'f't)| (3.68)

8(/zperture_jitler (t) =0 ‘

From this equation we derive the error power and calculate the SNR limit set by
the aperture jitter using the following formula [35]:

SNR =-20log,,(27- f-0,) (3.69)

aperture _ jitter —

where fis the input signal frequency and o, is the RMS value of aperture jitter. The
foregoing formula indicates that the error due to the aperture jitter becomes more
pronounced for high-speed input signals. The reader is referred to [35] for the math-
ematical proof of the formula. However, it should be noticed that the preceding formula
is based on the assumption of the instantaneous aperture jitter o being a random signal
and independent of the input voltage V,,(nT). This assumption implies that the aperture
jitter is not held responsible for introducing harmonic distortion to the output.

In accounting for the sources of the harmonic distortion that appear at the S&H’s
output, we find three important items: charge injection or clock feedthrough, input-
dependent switch on-resistance, and imperfect clock waveform with a finite slope.
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The mechanism of charge injection can be briefly described as follows: during
the holding mode, when the sampling switch is turned off, a negative charge due to
the memory effect of MOSFET is distributed from the channel to both source and
drain junctions [36]. Assuming M, in Figure 3.5 to be an NMOS switch, we find that
the negative voltage (the hold step) injected into one of its junctions can be given by

AV =— COXM"(|V83| - th) - _ Cox‘/VL'(Vdd - Vinl B Vth) (370)

2C, 2C,

where V,,, V,,1, and V,, are the power supply voltage, the output voltage of the input
buffer A, at the time M, is off, and the threshold voltage of M|, respectively. The forego-
ing equation indicates that charge injection introduces a linear gain error and a distor-
tion to the circuit. The gain error is attributed to the linear relationship shown by the
preceding equation between the injected voltage AV and the input voltage V,,;. The
distortion is due to the nonlinear link from V,,; to AV through the threshold voltage V,,,
which is linearly related to AV (as shown in the preceding equation) but nonlinearly
related to V;,; since in a given CMOS process, V,, can also be given by [37]

Vie=Vio Y INVo = Vi) + 210, =200, } (3.71)

where V;,_, is the inherent threshold voltage when V,, = 0, yis the body effect coef-
ficient, and @ is the Fermi potential of the substrate. They are all constants for a
given CMOS technology. V,,, is the substrate voltage, which is usually tied to ground
or the negative supply voltage V,; thus it is also a constant. Being the only two
variables remaining in Equation (3.71), V,, and V,,; form a nonlinear relationship
between themselves; consequently, the hold step AV has a nonlinear relationship with
the input signal (V;,;) based on Equation (3.70), thereby introducing a distortion error.

Moreover, note that a gain error typically causes the degradation in the output
voltage amplitude and hence reduces the SNR of the circuit. On the other hand, the
nonlinear relationship between the hold step and the input signal introduces distor-
tion to the output signal, thereby reducing the signal-to-distortion-ratio (SDR).

In contrast to the charge injection, the switch on-resistance takes effect during
the sampling mode. It can be expressed as (see Chapter 1)
1
Ron =
.unCox (W/L)(Vdd - ‘/inl - ‘/th)
From the equation we realize that R, is nonlinearly dependent on V,,;. As a

result, given a fixed holding capacitor C;,, the S&H’s time constant varies with the
instantaneous input voltage, thereby causing distortions.

(3.72)
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Distortion may stem from an imperfect clock signal whose waveform has a finite
slope. As we know, the sampling switch M, in Figure 3.5 is made of an NMOS
transistor; thus, when the value of (V. — V,,) reaches the transistor’s threshold
voltage V,,, the switch is turned on. If the transition of V,; from “high” to “low” (and
vice versa) is not steep—that is, the waveform of V,, changes with a finite slope,
then neither the value of (V. — V,,;) nor the switch open/close operation changes
abruptly, and thereby the actual sampling or holding instant deviates from the ideal.
As intuition suggests, the deviation is related to the input signal frequency f (i.e., how
fast V;,; changes) and the slope of the clock waveform (i.e., how fast V., changes),
thus it contributes to both harmonic distortion and deterministic aperture jitter (in
comparison with the random aperture jitter derived before).

Moreover, it can be shown that the signal-to-distortion ratio (SDR) is incremen-
tally (and logarithmically, since it is defined in decibels) proportional to the value of
V! (Vi -f- 1), where ¢, 1s the time it takes for the clock to transit from “high” to
“low” (or vice versa).

Taking both the signal-to-distortion ratio (SDR) and signal-to-noise ratio (SNR)
performance of the S&H circuit into account, we can define another very useful
parameter, signal-to-noise-plus-distortion ratio (SNDR). The measured value of
SNDR represents the limits imposed by all the preceding phenomena (aperture jitter,
charge injection, and finite clock slope) on the circuit’s performance.

Dynamic range (DR) is defined as the difference in decibels between the largest
and the smallest possible input voltages that the S&H is capable of processing prop-
erly. DR can also be interpreted as the ratio of the largest possible over the smallest
possible output signals. DR is mainly limited by the power supply voltage, the
threshold of the sampling switch, and the input-referred noise power.

Finally, there are many other important parameters, such as pedestal error, droop
rate, and holding-mode feedthrough. However, in practice they are seldom measured
or quantified individually. Rather, their performance merits are often incorporated
into the measurable ones such as SNR or SNDR for the sake of simplicity.

Testing S&H Circuits

The most popular test setup used to characterize S&H circuits is the back-to-back
test [38], which is very useful for measuring critical performance parameters such as
SNR, SNDR, and aperture jitter. In this setup, two identical S&H circuits are fabri-
cated onto the same chip, with one being used to test the other. During the test, the
S&H under test operates at the maximum allowable clock frequency f,,.., while the
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other S&H is driven by a lower clock frequency of f,,.,/N or thereabout (N is an
integer ranging from 1 to 16 in practice). A sinusoidal input signal with a frequency
of f,.../N — Af is first applied to the S&H under test, and the output is then processed
by the other S&H, which is now clocked at f,,../N + Af.

When N = 1, the test is also called the beat-frequency test, with Af being the beat
frequency (usually on the order of 100kHz). When N > 1, the test is often referred
to as the envelope test, since it chooses one out of N possible sinusoidal waveforms
(envelopes), all with a frequency of Af, for spectral analysis, thereby shifting the
center of the frequency window from f,,,. to f,.../N (N > 1).

The basic idea behind the scheme of back-to-back frequency test is to utilize the
inherent modulation/demodulation capability of the sampling switch to investigate
noise and harmonic distortion properties of an S&H circuit operating at high fre-
quencies. This technique is highly desirable in practice because it helps circuit
designers avoid the trouble of sending the actual high-frequency signals to the mea-
surement equipment (e.g., spectrum analyzer), otherwise the S&H circuit must be
carefully designed such that its output can drive 50-ohm loads or balun.

Consider the case when N = 1, the input is demodulated by the first S&H (under
test) to a low-frequency signal (i.e., f = Af), which is then passed through the second
S&H (identical to the one under test but clocked at f,,,. + Af) to compensate the sinc
response [38]. As a result, the first S&H circuit’s spectral characteristics such as
noise floor and spikes (i.e., harmonic distortions) within the high-frequency window
[ frax — A, fmax + Af] are literally copied to the low-frequency one: [-Af, +Af], which
can be handled with a simple differential-to-single-ended converter before being sent
to the spectrum analyzer for measurements.

Furthermore, the back-to-back frequency test is also widely used for the charac-
terization of ADCs. However, given the ADC under test has a resolution of around M
bits, the auxiliary ADC shall have a higher resolution (e.g., M + 2 bits).

Finally, revisiting Equation (3.68), we realize that given a fixed f, the worst-case
error induced by aperture jitter ¢ is observed when the input waveform is around the
zero-crossing points (i.e., with the steepest slope). In contrast, little or no error due to
aperture jitter is detected when the input waveform is at its peak (i.e., flat or with
small slope). Thus, to some extent there is a correlation between the measured error
voltage due to jitter and where the measurement is taken.

In addition, the measured result becomes very sensitive to this correlation when
both clock and signal frequencies reach a few hundreds of megahertz (MHz).
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However, the back-to-back test is not capable of revealing this correlation since its
measurement does not distinguish between random and deterministic jitters. More-
over, the maximum precision of the back-to-back test is limited by the jitter perfor-
mance of the clock generator, which is often worse than Sps (in RMS values) by
itself. Therefore, it should be noted that the back-to-back frequency test is incapable
of accurately measuring the subpicosecond jitter error (i.e., less than 3ps in RMS).
New test methods are needed to circumvent these limits and to facilitate accurate
subpicosecond jitter measurements for characterizing high-speed and high-resolution
circuits such as flash or pipelined ADCs [39][40].

CMOS S&H Circuits

Now that we have reviewed the key performance parameters and testing techniques
useful for characterizing S&H circuits, let us investigate the design of CMOS S&H
circuits through several practical examples.

The simplest practical S&H circuit is shown in Figure 3.5, which is often referred
to as the open-loop S&H architecture. The advantages of this open-loop S&H
architecture are the high speed and the unconditional stability, since no global
feedback is used. However, the accuracy of an open-loop S&H circuit is limited by
signal-dependent errors due to the charge injection, switch on-resistance, and finite
clock slope. Despite some early proposals to minimize signal-dependent errors (e.g.,
cascading a dummy transistor with the sampling switch or using a CMOS transmis-
sion gate for switching [1][20]), the maximum achievable linearity of a standard
open-loop CMOS S&H is limited to about 8 bits (i.e., with an overall SDR of about
48dB) [41].

A few fast (clocked at 100 MHz or above) open-loop CMOS S&H prototypes
with a 10-bit resolution have been reported [42][43], which use either stacked source
followers [42] or switched source followers [43] to alleviate signal-dependent charge
injection errors and body effects. Moreover, the bootstrapping technique has been
employed by most low-voltage SC S&H implementations to further reduce charge
injection errors and desensitize the switch on-resistance from the input signals [44]
(the mechanism of bootstrapped clock generation will be discussed in Chapter 7). In
practice, low-leakage and high-speed bipolar diode bridges are often adopted to build
the sampling switches in open-loop S&H circuits for very high speed (up to
1.25GHz) and high-accuracy (9 to 12bits) sampling applications [45][46].

As an alternative to special source followers and bootstrapped clocks, a seem-
ingly straightforward solution to the low accuracy of the CMOS S&H circuit in
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Figure 3.5 is to create a negative feedback path by connecting the output of A, to
the negative input terminal of A,. However, this modification does not really remove
harmonic distortions since the voltages on both sides of M, still depend on the input
signal. Moreover, the slew rate requirement for the input buffer A; becomes rather
stringent, because its output voltage level has to change significantly from one phase
to the next.

These problems can be alleviated by using the closed-loop S&H architecture
illustrated in Figure 3.6 [47]. As shown, the op-amp G, creates a virtual ground in
the loop, and the holding capacitor C,, is connected between this virtual ground and
V.- Once M, is turned off and M, is connected to ground, the channel charge of M,
is distributed toward both directions: the charge to the left is grounded via M,, while
the one to the right is absorbed by the virtual ground. Thus, the majority of input-
dependent charge injection errors from M, are effectively neutralized. Also, the
output node of G,is connected to the virtual ground via M, during the sampling
mode (®; — 1), whereas it is grounded via M, during the holding mode (®, — 1). As
a result, the time required for G, to slew from the holding to sampling mode (and
vice versa) is reduced. The output voltage level of G, is also kept within a small
range of its nominal value by the inner loop consisting of C,, and G,.

Additionally, an extra circuit is connected to the positive input terminal of G,
where the capacitance of Cj, is set equal to that of C,, and M5 is identical to M;. Hence,
the extra circuit is indeed a dummy compensating the voltage changes across
C, or M, due to signal-dependent leakages, dc offsets, and parasitic capacitances. This
concept naturally leads to a fully differential implementation of the circuit in Figure
3.6, which is popular for designing high-resolution (>10-bit) S&H circuits in practice.
The reader is referred to the paper by Nayebi and Wooley [47] for more details.

Ch
— i
- ¢4
Gy R A
Vin —— 1+ L M1 GZ '_.VOUI
M, b2

Figure 3.6 Closed-loop S&H with two op-amps.
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Although the accuracy of the closed-loop S&H circuit in Figure 3.6 is improved
in comparison with that of its open-loop counterpart, the use of a feedback loop
encompassing two high-gain op-amp stages entails a basic tradeoff between accuracy
and speed. To ensure the stability and accuracy of the circuit in Figure 3.6, an
adequate phase margin is required for good op-amp settling characteristics, thereby
limiting the overall operating speed.

Variations of the circuit in Figure 3.6 have been proposed to increase the operat-
ing speed while maintaining a sufficient accuracy. Most of these circuits include only
one op-amp in the loop. A simple switched-capacitor S&H circuit that can easily
achieve a 9-bit resolution (clocked at 0.5 MHz) is shown in Figure 3.7(a). Note that

)
Figure 3.7 (a) Simple SC S&H. (b) SC
S&H with a relaxed slew rate 91
requirement. (c) Fast S&H with a Miller o Ch
holding capacitance. Vin oe———— ——{|———
A —o Vour

o
Vin 0—} —
A ——o Vot
¢1a
1 Ch
Vip o b
A ——o Vot
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the switch denoted @, (i.e., advanced @) is turned off slightly earlier than is the
switch denoted ®@,.

The main purpose of this advanced-®, configuration is to prevent the input-
dependent errors injected by the ®; and ®,, switches from appearing in the output
during the holding mode. Specifically, when the @, switch is turned off (slightly after
d,, goes off), its negative channel charge does not change the voltage across C,
because the inverting input of G, is floating (i.e., open circuit). Both sides of the @,
switch are very close to ground when it is just turned off, and hence its channel
charge is also neutralized.

The circuit operates as follows. During the sampling mode, if G, has a small
input-offset voltage Vg, then its output level is also equal to V,; due to the unity-gain
feedback, and the voltage across C, is equal to (V;, — V,z). During the holding mode,
@, is off and ®,is on, the output is given by (V,, — Vs + V) =V}, (i.e., V,; does not
affect the output). Thus, this SC circuit is also referred to as the input-offset-free
S&H (low-frequency noise signals such as 1/f or flicker noise can be canceled in a
similar manner). In addition, note that a dummy SC network similar to that of Figure
3.6 is often connected to the positive input terminal of G,, reducing errors due to

clock feedthrough and parasitic capacitances.

Thanks to its simplicity and low power consumption, this type of S&H (often in
its fully differential configuration) is one of the candidates that are able to meet the
needs of pipelined ADCs, where many S&H circuits are required. It can also be
used as a half-period delay or unity-gain buffer (UGB) [20]. However, a major
drawback of this S&H circuit is that during the sampling mode the output must be
reset to V,; regardless of V,,, and as a result, the output cannot track the input.
Moreover, in between modes, the output of G, needs to slew from V,, to V;, (and vice
versa), which places a stringent slew rate requirement on G, especially when V;, is a
relatively large signal as compared to V.

To relax the slew rate requirement for the op-amp, an interesting modification of
the preceding circuit is shown in Figure 3.7(b) [48]. Note that the switch denoted ®,,
(i.e., advanced ®,) is turned off slightly earlier than are the switches denoted @,
whereas the switch denoted ®,, (i.e., advanced ®,) is turned on slightly earlier than
are the switches denoted @,. The arguments employed earlier can be repeated here to
explain how the switching configurations help alleviate charge injection errors.

The operation of this circuit is described as follows. During the sampling mode,
the voltage across C, is equal to (V;, — V,), and the voltage across C, is equal to [V,,,,
= Vor— (Vis = Vourp) Cil Col, where V,,,,1s the output signal held till the beginning of
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the current sampling mode. Note that (V,, — V,,,,) C,represents the charge transferred
from the right side of Cj, to the left side of Cyonce ®;, — 1. As the result, during the
holding-to-sampling transition, the op-amp’s output changes from V,,, to [V,,,, — Vu
= (Vin = Voup) Ci/Cyl, and the change in the output voltage is thus given by

|AVh Vo ‘/oﬂ_(‘/in_voutp)'ch/co _‘/outplz(‘/z‘n_voutp)'ch/co +Voﬁ (373)

—>s| = | utp ~
V.18 usually less than 15mV in a standard CMOS technology. During the holding
mode, the right side of C), is floating, and Cj, is connected between the output and
ground. Ignoring the dc offset introduced by turning off the ®,, switch, we can
write the change in the output voltage during the sampling-to-holding transition as

follows:

i = Vo = (Ve = Voun )G/ Co 1= (V,, = V,,,, )14 C, /Cy) - (B74)
The approximations derived here indicate that compared to the circuit in Figure
3.7(a), whose maximum intermode output voltage jump is as large as (V;, — V,), this
S&H circuit greatly relaxes the slew rate requirement for the op-amp, especially
when C;, << C, or V,, is a slow-varying signal compared to the sampling clock

(ie., V,, is oversampled; hence, AV,, is small). Thus, this circuit is able to track the
input and its maximum operating speed is higher than that of the circuit in Figure

3.7(a).

As Wang and Temes [48] reported, with a 20-pF load capacitance, this S&H
circuit can function up to about a 2.8-MHz clock rate, whereas the circuit of Figure
3.7(a) can function up to only about 0.6 MHz (in both circuits the op-amp is imple-
mented as a cascode inverter in a 3-um CMOS technology). This type of S&H
circuit (often in its fully differential configuration) is widely used for implementing
oversampled audio ADCs, thanks to its low slew rate and relatively high resolution
(up to 12 bits at a 2.5-MHz clock).

Based on Equations (3.70) and (3.72), we realize that in a given CMOS technol-
ogy, the accuracy of the S&H circuit can be improved by using either a wider sam-
pling switch (i.e., a larger W) or a larger effective holding capacitance in the holding
mode (i.e., reducing charge injection errors). On the other hand, the operating speed
of the circuit is limited by the time-constant product of R, and C,_,, where C, ; is
the effective holding capacitance in the sampling mode.

Furthermore, both the accuracy and speed of the S&H would benefit from an
increased W (i.e., descreased R,,), thus the accuracy-speed tradeoff is essentially
governed by the corresponding holding capacitances in the sampling and holding
modes. The key concept is, for a win-win situation between accuracy and speed, we
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should design the S&H circuit in such a way that the effective holding capacitance
appearing in the holding mode is maximized; while that appearing in the sampling
mode is minimized.

A simple CMOS S&H circuit built based on this concept is shown in Figure 3.7(c)
[49]. Note that this circuit looks identical to that of Figure 3.7(a) except for the capaci-
tor Cy between node A and the output. During the sampling mode (@, — 1), the input
V..1s sampled by an effective holding capacitance C, ;= (C,+ Cy). During the holding
mode, the effective Miller holding capacitance that appears at node A is given by

Cy =1+ Gl)[ Cffgoj (375)
where G, is the op-amp’s maximum dc gain, and C}, ., 1S normally much larger
than (C,+ Cy). As we can see, small physical capacitors can be used to build a large
holding-mode capacitance, thereby realizing a relatively high accuracy and a high
speed. It can be proved that the slew rate requirement for the op-amp here is compa-
rable to that for the aforementioned circuit. As Lim and Wooley [49] reported,
fabricated in a 1-um CMOS technology, this S&H circuit can achieve an 8-bit
sampling resolution at up to about 100-MHz clock frequency (assuming the acquisi-
tion time takes up half the clock period).

In summary, we studied key performance parameters and testing methods of S&H
circuits. A few basic S&H circuits were presented, and the tradeoff between the
achievable accuracy and operating speed was emphasized. Most recently, a few S&H
circuits have become available that have better accuracy-speed merits than those seen
here. Such examples include the double-sampled CMOS S&H with offset and finite-
gain compensation [50] and the “flip-around” CMOS S&H with bootstrapped switches
[51]. In addition, CMOS S&H circuits using the switched-op-amp technique [52],
which is suitable for low-voltage applications, can also be found in the literature.

3.5 Switched-Capacitor Interpolators and Decimators

SC Interpolators

An SC interpolator is an analog sampled-data selective filter that increases the sam-
pling clock frequency from f.; to Nf., (N is an integer greater than 1) and suppresses
the input signal’s replicas between f, and (Nf. — f,.), where f, s the Nyquist rate.

The SC interpolator is mainly used as the output stage of an SC filter, allowing
the SC filter to operate at a lower clock rate and hence to be less complex [53]. In
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some classical Nyquist-rate audio D/A converters (DACs) such as that presented in
[54], an SC interpolator is placed before the DAC to suppress frequency images
centered at f,, 2f,, . . ., (Nf.x — f,); therefore, it eases the task of the analog antialias-
ing filter (AAF) following the DAC. However, if a very large N is required (e.g., for
an oversampled audio AX DAC [55]), a fully digital linear interpolator is often
chosen over the SC type for the sake of digital programmability and the accuracy
versus power ratio.

A standard SC interpolator is equivalent to a low-pass SC filter preceded by an
analog upsampler (or vice versa). The input to an SC interpolator is usually a
sampled-and-held signal operating at a clock rate of f;. It may be directly upsampled
to Nf., using an N-step or N-phase capacitor array. An SC interpolator using a four-
step capacitor array as the analog upsampler is shown in Figure 3.8(a) [53][56]. Note
that C;,=C,=C3=C,=C, Co=4C, and T = 1/f .

Although ideally this circuit would be able to realize a four-fold interpolation, it
is seldom used in practice because there is no dc feedback between the inverting
input and the output of the op-amp [20][56]. As a result, if there is a small parasitic
capacitance C, between the inverting input of the op-amp and ground, then the
channel charge generated by turning off the switches will accumulate on this para-
sitic capacitor, which will eventually saturate the op-amp.

A modification of the foregoing circuit is shown in Figure 3.8(b). It employs
the same clocking scheme as before. Compared to the preceding circuit, two extra
switched capacitors C,, and C, are added (C,, = C, = C). During phase ®,, the clock-
feedthrough charge on C,is absorbed by C,, and C,, which is then discharged to
ground during the next phase ®,. Also, both C,, and C, send charges to C, when @,
is on; however, these charges do not affect the interpolator’s transfer function since
they cancel each other out.

A noteworthy disadvantage of this circuit is that a large number of capacitors will
be required if the interpolation factor is large. Moreover, the overall capacitance
grows with N, as do the total power consumption and the silicon active area.

An SC interpolator consisting of an integrator and a unity-gain S&H feedback
stage is shown in Figure 3.9(a) [56]. Note that only three capacitors are used for an
interpolation factor of 4 (C; = C, = C and C; = 4C), and the integrator is operating at
a clock rate four times as fast as that of the S&H stage. And as we can see, the S&H
stage is similar to that presented in Figure 3.7(a).
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Figure 3.8 (a) Easy-to-saturate SC interpolator. (b) Improved SC interpolator with a

multistep capacitor array (N = 4).

The interpolator operates as follows. During phase @, the input voltage V,,(nT)
is sampled onto C,. During phase ®,, a charge proportional to the difference between
V..(nT) and the sampled-and-held output voltage V,,,(nT), which ideally should be
equal to V,,(nT — T), is transferred onto C;, thereby causing the output to jump by
AV, = [V, (nT) = V,,(nT — T)]/4. This operation repeats every 0.257, and the input-
output-difference charges acquired at different time instants are accumulated on Cj
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until the beginning of the next phase ®;, when the output voltage would be equal to
Vin(nT).

By inspection we can find that ideally the transfer function of this configuration
is equivalent to that of the four-step capacitor array shown in Figure 3.8(b), where
[V,,(nT) — V,,(nT — T)] is chopped into four equal pieces by multiplexing four input
capacitors. However, the overall capacitance is significantly reduced in comparison
with that of the previous circuit, especially when N is large (N > 3). Furthermore, it
can be shown that in this configuration the number of capacitors is always equal to 3,
regardless of the value of N. That is, only the values of (Cs/C;,) and switching
phases change with the interpolation factor.

However, a common drawback of all the interpolators seen thus far is that the
capacitance spread, which is equal to N in all the preceding cases, may become
very large. An interesting modification resolving this issue is shown in Figure 3.9(b)
[20][54][56] (N = 4). Note that four capacitors are used here. Instead of using a
unity-gain S&H stage to capture the difference between the input and output, this
interpolator places an SC gain stage (voltage gain = C,/C,) with reset before the
delayed integrator, which has a capacitance ratio of C;/C,. As a result, during each
fast clock cycle (i.e., @; and ®,) the output voltage also changes by AV,,,= [V,,(nT) —
Vi.(nT — T)]/N, as long as the following condition is met:

G G _ 1

- (3.76)
C,C, N

Thus, the capacitance spread can be reduced to as small as the square root of V.

Another advantage of this interpolator is that the fast clock frequency driving ®;
and @, needs to be equal to only (N — 1)f.; instead of Nf.;, due to the extra delay
element provided by the gain stage. For instance, a clock rate of only 3f.; is required
to achieve a four-fold interpolation. This benefit becomes more pronounced when f;
is very high (e.g., in an oversampled audio data converter). Moreover, the speed of
the first op-amp stage is determined by the lower sampling rate f;, thereby relaxing
the circuit implementation.

Lastly, recall that the input to an SC interpolator is usually a sampled-and-held
signal. As intuition suggests, the frequency response of the SC interpolator could
suffer from the sinc effect of the S&H circuit, which might cause aliasing problems
especially when the value of (f.;/f,) is not much greater than 2. This consideration
becomes realistic in some high-speed applications such as video data converters and
wireless communications, where SC interpolators are used to upsample the signals. A
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Figure 3.9 (a) SC interpolator with only three capacitors. (b) SC interpolator with a
reduced capacitance spread (N = 4).
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few circuit techniques have been reported to alleviate S&H effects on high-speed
interpolations [56][57][58]. The interested reader is referred to the literature for more
details.

SC Decimators

As an analog sampled-data signal processing stage with an operation complementary
to that of the SC interpolator, the SC decimator reduces the sampling rate from Mf;
to f.x, where M is an integer greater than 1 and is often called decimation factor. In
contrast to its interpolating counterpart, the SC decimator is usually used as the input
stage of an SC filter, allowing the SC filter to operate at a lower clock rate. Addition-
ally, it can be used after an oversampled delta-sigma ADC to downsample the signals
and remove the out-of-band quantization noise as well as the high-frequency replicas.
However, similar to the SC interpolator, if a large M is required (e.g., for an over-
sampled audio ADC), a fully digital decimator is often preferred over the SC
implementation.

A standard SC decimator is equivalent to a low-pass filter followed by an analog
downsampler (or vice visa). A simple and power-efficient SC decimator is shown in
Figure 3.10(a) [59] (M = 4). This decimator is basically a fast-sampling SC integrator
with a slow read-out. That is, it operates like a linear-phase averaging filter and its
transfer function can thus be expressed as follows [59]:

v.(z) ¢ & ., C 1-z7" _
H(z)= out - 77tz 1/2:_.—-Z 1/2 3.77
( ) Vm(Z) Gy g(; o 1=z ( :

where M is the decimation factor, and z = exp(—s/Mf.;). “z"'*” is a half-delay element

and does not affect the decimation function. The transfer function derived here
indicates that this SC decimator is indeed a sampled-data finite-impulse-response
(FIR) filter. The @; switch provides a dc feedback from the op-amp’s output to the
inverting input, thereby resetting the op-amp every T (T = 1/f.;). The ratio C/C, is
often set to be equal to or less than (1/M) in order to avoid saturating the following
stages. From Equation (3.77), we can derive the magnitude response of the decimator
using algebraic formulae, which is given by

H(ef“’T/M): <.

Co

The foregoing equation indicates that the decimator has a sinc-type magnitude
response. As a result, the frequency replicas at integer multiples of f,; (except for

multiples of Mf,,) ideally should have zero magnitudes, meaning that these high-

(3.78)

sin(@T) ‘
sin(wT /M)
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Figure 3.10 (a) FIR SC decimator. (b) IIR SC decimator (M = 4).
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frequency images are eliminated by the decimator. However, in practice they are
never removed completely due to circuit imperfections. Additionally, in this decima-
tor, the speed of the op-amp is determined by the input sampling rate Mf,,, thereby
imposing a stringent limit on the maximum workable sampling frequency due to the
difficulties of designing very fast and linear op-amps.

To alleviate the restrictions on the sampling frequency as well as the op-amp’s
settling characteristics, SC decimators based on infinite-impulse-response (I1IR)
transfer functions are reported [57][60]. Generally speaking, in comparison with
their FIR counterparts, IIR SC decimators are more suitable for applications with
higher selectivity and wider signal bandwidth.

An IIR SC decimator based on a single op-amp is shown in Figure 3.10(b) [60].
The decimation factor M is equal to 4 in the schematic. It is proved that the decima-
tor’s transfer function can be presented as follows [60]:

C,+Cz'+Cyz2+Cz7°

Hiz)= (C5+C6)_C6Z4

(3.79)

The basic idea is to prolong the effective sampling time (i.e., to reduce the effec-
tive input sampling frequency sensed by the op-amp). In the schematic, four parallel
sampling branches placed before the op-amp stage are operating at the same clock
rate 4f.,, while the sampled charges accumulated on these branches are read out by
the op-amp at a lower frequency f.,. Also, the effective sampling function of the C,
branch (i.e., the transmission path through the switched C,) is delayed by 7' as
compared to that of the C, branch, whereas the C;and C, branches are delayed by 7
and 77, respectively. In effect, the effective sampling frequency sensed by the op-
amp and the subsequent circuitry is reduced from 4f; to f.;, relaxing the op-amp’s
settling requirement.

On some occasions, parallel decimating circuits have come into use for the
realizations of subsampling wireless receivers with a relatively high intermediate
frequency (IF). An interesting IIR SC decimator was reported by Lindfors et al. [61].
The decimator was reported to be capable of operating at a maximum clock rate of
230MHz in a 0.5-um CMOS technology. The interested reader is referred to the
reference for a complete investigation.

In summary, this section provided an overview of SC interpolators and decima-
tors. A few design examples were presented, and their corresponding advantages and
disadvantages were discussed.
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3.6 Signal-Flow-Graph Analysis of Switched-Capacitor Circuits

Signal-Flow-Graph Analysis

As Section 3.3 showed, using charge equations to analyze SC circuits could be
tedious, even for obtaining the transfer function of a simple SC integrator. As a
result, a very useful and simple method called the signal-flow-graph (SFG) analysis
based on the principle of superposition has been widely adopted in practice
[91[10][13][19][20][21].

Consider the first-order switched capacitor filter shown in Figure 3.11(a). Based
on the principle of superposition, we realize that this circuit can be decomposed into
three active subcircuits: an inverting SC gain stage, a parasitic-insensitive parallel SC
integrator similar to that shown in Figure 3.3(a), and a parasitic-insensitive series SC
integrator similar to that in Figure 3.3(b). Moreover, utilizing some of the results
derived in Section 3.3, we can write the transfer functions of these three subcircuits
as follows:

G

c, 7!
Hgain(z):_c_o’ Hparallel(z)zc_ol_z—l’

c 1

series (Z) = - -1
Hence, the input-output relationship of the circuit can be precisely represented by
the equivalent signal flow graph shown in Figure 3.11(b). Note that in the graph, the

(3.80)
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Figure 3.11 (a) Simple SC circuit. (b) Equivalent signal flow graph.
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input stages (either in forward or feedback paths) are represented by three different
gain factors, whereas the closed-loop op-amp is represented by an integrating func-
tion. The weighted inputs and output are summed up before entering into the op-
amp. Based on the signal flow graph, we can develop the following equation:

1
{‘/in (Z).[CZZ_l_Cl (1_Z_1)] out C 1 out (Z) (381)
Thus, the overall transfer function is given by
-1 _ -1
H( )_ ouz (Z) (C1+C2)Z ?1 e Cl . 1 [(CI+C2)/CI]Z ] (3.82)
V. (2) Co+CG—=Coz” Co+ G5 1_[Co/(C0+C3)]17

It can be found that the pole Z, and zero Z, of the previous circuit are given by
the following:
C, C

= and Z,=1+—2 (3.83)
Co+ G, G,

This circuit is always stable since Z, is located inside the unit circle (i.e., Z, < 1).
However, Z, is located outside the unit circle (Z, > 1). To implement a similar first-order
transfer function with the same pole but a zero located inside the unit circle, we need
to replace the noninverting and delayed input stage (i.e., C,z"') with an inverting and
delay-free (i.e., —C,) one. The reader is encouraged to derive the new circuit’s equiva-
lent signal flow graph and transfer function, as well as pole/zero values.

Mason’s Rule

The larger and more complex is a circuit, the more difficult it would be to quickly
obtain the input-output relationship, since a large and complex circuit often consists
of multiple forward paths and feedback loops. In practice, a well-known technique
called the Mason’s rule [62] is often employed to derive the transfer function of a
complex circuit by simply inspecting its equivalent signal flow graph. The z-domain
Mason’s rule is stated as follows:

Vu(z) 1
0= = a2

Gi(2) represents the transfer function of the ith forward path, which contains no
feedback. A(z) is the determinant of the whole signal flow graph, which is given by

Alz)=1- ZGL+ZGkLG,L Y. GGG, +... (3.85)

m,n.p

Y G()A ) (3.84)
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Here, G, 1s the gain of the jth loop. (G.G,.) is the product of the loop gains of
two nontouching loops (kth and /th) if they exist. Similarly, (G,,.G,.G,.) is the loop-
gain product of three nontouching loops (mth, nth, and pth) if they exist and so on.
Lastly, A;(z) is the determinant of a subgraph whose signal paths are not touching the
ith forward path.

As a simple example, let us revisit the signal flow graph in Figure 3.11(b) and
utilize the Mason’s rule to obtain its transfer function. As seen in the schematic, the
circuit consists of two forward paths and one feedback loop. From Equations (3.84)
and (3.85), we can obtain the transfer function as follows:

1 [ G & 7! .1:|:(C1+C2)Z_1_C1
c, 1 -

-——1+
Cy+Cy—Cpz™!

H(z)=

(3.86)

I+
Col-z

As seen, this transfer function is identical to that given by Equation (3.82).

EXAMPLE 3.3

Draw an equivalent signal flow graph for the SC second-order filter (biquad) shown
in Figure 3.12(a) [9][13]. Note that switch-sharing is not employed here for
illustration purposes. Find its transfer function using the Mason’s rule, and show that
the dc signal level at node A is independent of the transfer function. Lastly,
investigate the circuit’s Q and capacitance spread.

Solution: The circuit in Figure 3.12(a) can be represented by the equivalent signal
flow graph shown in Figure 3.12(b). As the graph shows, there are three forward
paths and two feedback loops. Utilizing the Mason’s rule, we can obtain the transfer
function, which is given by

(M + M) 22+ (MM — M, —2M;) 2+ M,

H(Z) — Vout(z) —

(3.87)
V.. (2) (Mg+ 1)+ (M,Ms— Mg—2)z+1
The overall dc gain of this filter (z = 1) is thus given by
M,+M;)+(MM;—M,-2M,)+ M M
H(Z)L:l:_( 2 3) ( 17775 2 3) 3 __ "1 (388)

Assuming the input dc signal level is 1V, then ideally the output would be at (—M,/
M,) (in volts). From Figure 3.12(b), we can obtain the dc signal level at node A as
follows:
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Figure 3.12 (a) SC biquad. (b) Equivalent signal flow graph.

M -1 0
V@ =+ (- b () =52 389

4

The question mark in the preceding equation stands for uncertainty, which implies
that the specified transfer function H(z) cannot determine the dc signal level at node
A. Uncertainty essentially means flexibility, therefore a certain degree of freedom in
choosing the values of M,, M,, and Mjs is obtained, and the nominal dc signal level
at node A can be set at any value regardless of the three capacitance ratios. A
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common and often optimal practice is to set the interstage gain Msto 1, equate the
system coefficients of z in Equations (3.87) and (3.24), and then solve the design
equations to determine all the initial capacitance ratios. The last step is to perform
dynamic range scaling so that the peak voltage at the output is equal to that at
node A [20].

Recalling Equations (3.24), (3.27), and (3.28) in Section 3.2, we find some
interesting relationships among d,, d,, My, Ms, My, w,T, and Q, assuming a very fast
sampling clock rate (w7 << 1). First, by equating the coefficients of z in Equations
(3.24) and (3.87), we can write the following:

M ,M,—M,-2 1

d, , and d,=
M +1 M +1

(3.90)

Next, making use of the flexibility in choosing the values of M;, M,, and Ms, we
obtain the following approximations based on Equations (3.27) and (3.28) (assuming
.l << 1):

to+ w,T NIYRY
M=2"9T e Mo=e, T, M=, and 0=YTATS (39])
o,T 0 M

This indicates that the values of @,T and Q can be determined by M,, Ms, and M.
That is, M,, Ms, and M determine the pole positions [9][13]. By contrast, it can be
found that the other capacitance ratios (M;, M,, and M;) are responsible for the
zero(s) only.

In most cases, the largest to smallest capacitance ratio (i.e., capacitance spread) is
also determined by one of M,, Ms, and M, for a guaranteed stability and a convenient
dynamic range scaling [13][20]. In practice, the feedback capacitors C, and C,
usually have the largest capacitances, and both are normalized to unity (i.e., C; = C,
=1).

Based on the approximations given by Equation (3.91) we can see that when
Q is high (Q > 1), the smallest capacitance is given by M¢C,, thereby providing a
capacitance spread that approximates (Q/®,T), which is much larger than Q since
w,T << 1. On the other hand, when Q is low (Q < 1), the smallest capacitance is
given by M,C, or M;sC,, resulting in a capacitance spread that approximates (1/@,7),
which is much smaller than that of the high-Q configuration. Therefore, the SC
biquad shown in Figure 3.12(a) is more suitable for realizing low-Q filtering transfer
functions. In Chapter 4, we will study the alternative SC biquad appropriate for
building high-Q filters.
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Appendix 3.1

A SWITCAP programming example is presented here. These source codes may be
used to simulate the parasitic-sensitive bilinear SC integrator shown in Figure 3.2(b),
and to plot the frequency responses (with and without C,;, respectively) between 1 Hz
and 600kHz. Furthermore, a MATLAB program is used to verify Equation (3.50). It
is assumed that the feedback capacitor C, = 5 pF, the sampling capacitor C = 0.5 pF,
the parasitic capacitor C,; = 0.05 pF, the input signal frequency f;, = 48kHz, and the
sampling clock frequency f., = 1.2 MHz.

/*SWITCAP program*/
TITLE: SIMULATING PARASITIC-SENSITIVE BILINEAR INTEGRATOR

TIMING;

PERIOD 1.2E-6 /*Define the input signal frequency and clock
pulses*/

CLOCK PHI1 1 (0 0.5);

CLOCK PHI2 1 (0.5 1);

END;

CIRCUIT

C (2 3) 5E-13;

CO0 (4 5) 5E-12;
CP1 (2 0) 5E-14;

VIN (1 0);

S1 (1 2) PHII1;

S2 (2 4) PHIZ2;

S3 (1 3) PHIZ2;

sS4 (3 0) PHII1;

S5 (5 6) PHI2;

El (5 0 0 4) 1E9; /*Define the op-amp to be an ideal VCCS*/
END;

ANALYZE SSS; /*Select the analysis package in SWITCAP*/
INFREQ 1 6E5 LIN 100; /*Sweep from 1 Hz to 600 kHz*/

SET VIN AC 1.0 0.0;

SAMPLE INPUT HOLD 1 3/8+; /*Sampling the input when @, — 1*/
SAMPLE OUTPUT IMPULSE 1 5/8+; /*Sampling the output when @, —
1*/
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PRINT VDB(6) VP(6);
END;
END;

% MATLAB analysis after SWITCAP simulations %

CLOSE ALL;

LOAD BILINEAR.dat %$Load the response data (with parasitic
capacitance)$%

FF = BILINEAR (:,1);

VDB = BILINEAR (:, 2);
VP = BILINEAR (:, 3);
NFF = FF.*(2.4E-6);
FIGURE (Al);

SUBPLOT (2,1,1);

PLOT (NFF,VDB,’'*R’);

TITLE (‘The Frequency Response from 1 Hz to 500 kHz’);
AXIS ([0,1,-100,1001);

GRID ON;

SUBPLOT (2,1,2);

PLOT (NFF, VP, ‘B+’);

HOLD ON;

FREQZ ([-.21, [1,-1]1, ((2.4E-6)*PI:0.01*PI:PI)); %Compare magnitudes and
phases%
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CHAPTER

Switched-Capacitor Filters

4.1 Introduction

In the 1970s, a surging demand for high-quality monolithic MOSFET active filters in
the fields of voice/data communications and instrumentations stimulated tremendous
research-and-development (R&D) efforts of switched-capacitor filters (SCF) [1][2][3].
Figure 4.1 shows a generic block diagram of an SCF-based sampled-data filtering
system.

As shown in the diagram, the analog input signal is preprocessed by an
antialiasing filter (AAF) to eliminate the unwanted signals located beyond half the
clock sampling frequency. The input sample-and-hold (S&H) stage samples the analog
input signal and sends a sampled-data signal to the subsequent SCF. Depending on the
application, an SC decimator may be incorporated into the input S&H stage so that the
signal frequency can be reduced from Mf to f (M > 1). The output from the SCF is sent
to a second S&H stage, which is typically built from a sampled-data-to-continuous-
time voltage buffer (see Chapter 5). In some cases, an interpolator is employed in this
stage to upsample the signal from f'to Nf (N > 1). The last stage is a reconstruction
filter that is typically used for smoothing the output waveform.

Chapter Outline

This chapter is organized as follows. Section 4.2 describes the fundamental aspects
of first-order and second-order (biquad) active SC filters (SCF). Section 4.3 discusses
the design principles of high-order SCFs. A step-by-step design example of a sixth-
order elliptical low-pass SCF is provided in this section (the relevant computer
simulation source codes are included in Appendix 4.1). Finally, Section 4.4 includes
a brief introduction to high-frequency CMOS SCFs.
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Analog Analog
In Mf f f Nf Out
— \ — SCF —— \ >
Antialiasing Input S/H Sampled Output Reconstruction
Filter Data S/H Filter (smooths output)
Filter

Figure 4.1 Block diagram of a sampled-data SC filtering system.
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Figure 4.2 First-order SC filter.

4.2 Low-Order Switched-Capacitor Filters

First-Order SC Filters

A generic first-order active SCF 1s shown in Figure 4.2. This is a three-in-one
filtering circuit that incorporates three different types of SCF: low-pass, all-pass, and
high-pass. Note that there are three specially labeled switches. For instance, the
switch labeled ®,®;, will be turned on when both ®, and ®,, go to 1. Here, LP, AP,
and HP stand for low-pass, all-pass, and high-pass, respectively.

As the clocking scheme for this filter, ®,, takes up a portion of ®,,, whereas
@, is not overlapping with ®; . In other words, when the circuit is employed to
realize a first-order all-pass filter, both C, and C, branches are activated. By
contrast, when the circuit is used as a first-order high-pass filter, only the C;
branch is activated. And when the circuit is used as a first-order low-pass filter,
only the C; branch is activated. Utilizing the signal-flow-graph (SFG) technique
introduced in Chapter 3, we can find these three filters’ transfer functions, which
are given by
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¢

H, ()=~ S (low-pas)

0
C,+C,
C, ( C,+C,

c,+c,\°" ¢

H,(z)= , (all-pass) 4.1)

G
C,+C,
G

z—1
CO+C4( )
Co
C,+C,

H,,(z)= , (high-pass)

Note that these three functions have identical denominators, which implies that they can
be transformed from the same generic first-order transfer function. Specifically, consider
a generic first-order sampled-data transfer function given by the following expression:

4.2)

First, to realize a first-order low-pass filter using the circuit in Figure 4.2, the
capacitors should have the following relationships:

1-—
c=%¢, and ¢,=1"%
dy d,

Second, to realize a first-order all-pass filter, the capacitors in the circuit should
have the following relationships:

_1-d,

C, 4.3)

C,=C, Cy, and C,=C, (iff ¢,=cyd,) (4.4)

0

Finally, to realize a first-order high-pass filter, the capacitors in the circuit should
relate to one another in the following way:

1-d

(&

0 0

Second-Order SC Filters

Gy (lﬁc = Co) 4.5)

A second-order SC filter (or biguad) may be realized using one of many approaches,
depending on the application’s requirements and the arrangement of the switches.
Recall that in Chapter 3 we investigated an SC biquad, which is shown in Figure
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3.12 [3][4]. That biquad is also a three-in-one filtering system capable of realizing
second-order low-pass, (all-pole) band-pass, and high-pass filters. Specifically, the
input should be sent through the M,C,, M,C,, and M;C, signal paths into the core
circuitry when realizing low-pass, band-pass, and high-pass filters, respectively.
However, as mentioned in Chapter 3, the biquad shown in Figure 3.12 is not suitable
to realize high-Q filters because when Q is high (Q > 1), its capacitance spread
approximates (Q/m,T), which is quite large since w7 << 1.

A well-known SC biquad appropriate for high-Q filtering applications is shown in
Figure 4.3 [5]. Similar to the low-Q case, the input signal is passed through the
M,C,, M,C,, and M;C, signal paths to realize low-pass, band-pass, and high-pass
filters, respectively.

Following the same process introduced in Chapter 3 (i.e., draw the signal flow
graph and then apply the Mason’s rule), we can obtain the biquad’s transfer function,
which is given by

Vour (2) _ _ M;2* + (M, M5+ MM —2M;) 2+ My — M, M;

H(z)= = 4.6
(2) vV, (2) 2+ (M,Ms+ MMy —2)z+1- MM, (+6)
The overall dc gain of this filter (z = 1) is then given by
MM M
H(z)l . =-—1—>=-—% 4.7
MM, M,
Ma|1|C1 b2
K¢1 J:
MeC+ -
Il
>—||— 2
———
¢1_M1Cq| 04
Vine—e—" T ga— &1 MsCy 0o
> ¢1 V
02 2 A ————e Vout
J:_ J:_ ¢2J__ J__¢1
MZC1 = - - =
' MsC

Figure 4.3 SC biquad for high-Q applications.
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Interestingly, this dc gain is identical to that given by Equation (3.88). In addition, it
can be found that the signal at node A is expressed as

M+ M,(1-27")+ H(z) [M,+ M (1-2"")]

VA(Z):_ 1—Z_1

Vi (2) (4.8)

Similar to what we saw in Chapter 3, it can be proved that the dc signal level at node
A is independent of H(z), hence there is some freedom in deciding the values of M|,
M,, Ms, and M. By equating the corresponding system coefficients in Equations
(3.24) and (4.6), we can write the following:

Utilizing the freedom of choosing the values of M,, Ms, and My, we obtain the
following approximations based on Equations (3.27) and (3.28) (assuming @,T << 1)

VM, M

4.10
MM, (4.10)

M45M5sa)0T,M6zl,ansz
Q

For standard high-Q SC applications (1 < Q < 2x), Q is typically smaller than
(w,T)™" in the presence of a high sampling clock frequency (i.e., £, > 40f,, or, equiv-
alently, myT" < 0.057). Thus, the smallest capacitance in the circuit is equal to (@,7),
and the resultant capacitance spread is equal to (@,T)™". However, for applications of
higher Q (Q > 2m) and larger signal bandwidth (4f, < f.x < 40fy), Q is usually larger
than (w,T)™", and as a result, the capacitance spread is equal to Q.

By contrast, for low-Q SC applications (Q < 1), the largest capacitance in the
circuit is equal to (Q)™, hence the capacitance spread is equal to (@,7Q)”", which is
larger than both (w,7)™ and Q (assuming @,T << 1). Thus, the biquad shown in
Figure 4.3 is more suitable for high-Q than for low-Q applications.

There are many other SC biquad realizations beyond the two mentioned in this
section. For a fruitful analysis of biquad construction, the reader is referred to
Section 8-7-2 of Laker and Sansen [6]. In addition, fully differential configurations
are usually adopted in practice to optimize the common noise rejection performance.
A comprehensive comparison between different fully differential SC biquads can be
found in [7].

Area-Efficient High-Q SC Filters

The aforementioned development indicates that the capacitance spread can be large,
particularly in a realized high-Q SC filter. It is well known that a custom capacitor in
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the modern integrated circuit is typically built from a number of equal-sized unit
capacitors or so-called unit elements. To realize the desired capacitance with
adequate accuracy, the size of each unit element should not be too small, otherwise
its desired value would be submerged by normal fabrication tolerances. In such a
case, a large capacitance ratio essentially means a large total capacitance, which
results in large chip area and high power consumption.

A number of practical area-efficient approaches are capable of reducing the
capacitance spread of a high-Q SC filter. Among them, the T-network approach [8] is
the simplest. Figure 4.4 shows the procedure of replacing the smallest capacitor in
the circuit, namely C, with a T-shape capacitor network consisting of C,, C,, and Cs.
Here, the basic idea is to make use of a T-network to simulate a very small capacitor
without actually implementing it, thereby considerably reducing the physical capaci-
tance spread. It can be proved based on the charge reservation principle that for both
of the circuits shown in Figure 4.4, the equivalent capacitance realized by the T-
network is given by

_ GG
A Cl+Cy+ G

For example, if it is assumed that C; = C, = C and C; = 6C, then from Equation
(4.11) we can find that the equivalent smallest capacitance is equal to 0.125C. If the
original capacitance spread is assumed to be 64 (i.e., the maximum capacitance is
equal to 8C), then the new capacitance spread after applying the T-network scheme
is the result of dividing 8C by C (instead of 0.125C), which is equal to 8.

@.11)

Generally speaking, if we assume that the original capacitance spread is A, then
the new capacitance spread after applying the T-network scheme is given by

C G, C,
Cs

¢1 1

Figure 4.4 Replace the smallest capacitor with a T-network.
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U p—
e (C,+C,+Cy)C

4.12)

Next, let us look into this feature from another perspective. If we assume that the
initial input and feedback capacitors of an SC amplifier are equal to C and 64C,
respectively, then the dc gain of the amplifier is equal to 1/64. After replacing the
input capacitor C with the T-network, the resultant equivalent input capacitance is
now 0.125C. To maintain the same amplifier gain of 1/64, the feedback capacitor
must be changed to 8C. Thus, the total capacitance and hence the silicon area is
drastically decreased, and the physical capacitance spread is reduced from 64 to 8.

However, note that the T-network is sensitive to the parasitic capacitance between
the top-plate of C; and ground, thereby requiring careful layout to reduce the para-
sitic effect. In addition, there is a limit on the achievable factor of capacitance spread
reduction. For instance, if we assume A = 64, C, = C, = C, and C; = 14C, then from
Equation (4.12) we calculate that the new capacitance spread would be equal to 4,
but this is not true because C; = 14C and the capacitance spread is indeed equal to
14. It can be shown that theoretically the lowest possible capacitance spread after
being modified by the T-network is equal to the square root of that before the
modification [8].

Huang [9] proposed an alternative parasitic-insensitive and what’s more, a more
effective approach. The key idea of this approach is to make use of the filter’s idle
phase (in this case when @, = 1) to reduce the capacitance spread.

Consider the first integrator of the high-Q biquad shown in Figure 4.3. Modify it
using Huang’s approach, and the resultant schematic is shown in Figure 4.5. The

|1
1T
Figure 4.5 Modified first integrator
in the SC biquad. 1 %13 4
1T
J:‘ Ciz J:‘
02 o2
1 Ci4
1 —i—
1
R 1
.
A
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schematic shows that the integrating capacitor of the first integrator, Cj, is split into
three capacitors, namely C,;, C,, and C);. Let us assume that the input signal comes
into the circuit through the M,C, path—that is, the SC circuit realizes a low-pass
filter. During the idle case (@, = 1), the op-amp’s output at node A is given by

M., V., (2) (4.13)

VA(Z)lidle:_W i
12 13

Next, @, = 1, and the capacitor C);is discharged to ground while the stored charge
on Cy,is transferred to C,;. Based on the charge reservation rule, we can write the
following expression of V,(z):

. MGG, ‘(1
(C12+Cl3)Cll

As shown here, to maintain the same op-amp voltage gain, the following condition
must be met:

1
Vi (@) e = ]wn(z) =-M, (;)vm(z) (4.14)

z—1

_(Cu+ GGy
C12

One of many scenarios able to satisfy the foregoing condition is described as follows:
C,=0.125C,, C,=0.125C,;, and C,3=0.875C},. In such a case, the largest capacitance
is equal to only 0.125C rather than Cj; thus, both the total capacitance and capacitance
spread are reduced. Specifically, the capacitance spread is reduced by a factor of 8. And
it can be shown that this first-integrator is insensitive to op-amp’s offset and finite gain
errors since it adopts the compensation design method reported in [10] (see also
Chapter 7). Furthermore, it is of practical interest to find that this approach can reduce
the capacitance spread to less than the square root of its original value (as compared to
the T-network case). The proof is left as an exercise for the reader.

C, (4.15)

These area-efficient approaches are among the most widely adopted in practice.
There may be as many capacitance spread reduction techniques as different
realizations of an SC biquad. It is not the author’s intention to be exhaustive on this
subject, and the interested reader is referred to the literature for more information.

4.3 High-Order Switched-Capacitor Filters

Realizations of SC Filters

The realizations of SCFs can be categorized into three basic groups. The first group
is called continuous-time filter emulations. In such cases, SC passive elements are
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used to replace the resistors in a classical continuous-time active RC filter (e.g., Tow-
Thomas or KHN biquad). The major drawbacks include the limited number of filter
types and inappropriateness for high-Q applications.

The second group is called SC ladder filters. The idea is to use SC circuits to
simulate the low-sensitivity response of a high-Q doubly terminated passive reactance
two-port, or, equivalently, an RLC ladder network for realizing a desired high-order
transfer function with high-Q poles [11]. There are two different approaches to the
realization of an SC ladder filter. One is called ladder component substitution, in
which case an equivalent SC element is used to substitute each R, L, and C
component of the original continuous-time ladder network. The advantage of this
approach is that the original filter’s low sensitivity to component variations is
perfectly maintained. The voltage-inverter-switch (VIS) [12] is a representative of
this approach, but it has been disregarded by circuit designers due to its inherent
drawbacks such as not being fully insensitive to the top-plate parasitic of the
capacitors, and requiring more than two clock phases to operate. Although a
modified VIS-SCF requiring only two-phase clocking was proposed in [13], the
yield is still too low for economical production in the existing CMOS technologies.

The other approach is called the SFG-based ladder realization. The basic idea is
to convert the s-domain transfer function of the RLC ladder filter into its z-domain
counterpart using either LDI (i.e., approximate design) or bilinear (i.e., exact design)
s-to-z transformations, depending on the accuracy requirements and the ratio of clock
frequency over signal bandwidth (i.e., f./fy). Once the conversion is decided, a signal
flow graph (SFG) consisting of integrators, delays, and summing stages is developed
from the resultant z-domain transfer function, and the SCF circuitry is implemented
based on the SFG. Generally speaking, it is much easier to build a parasitic-
insensitive SFG-based SC ladder filter than it is to use the VIS approach since it
makes use of integrators rather than voltage inverters.

The third group of SCF realizations is somewhat similar to the aforementioned
SFG-based ladder filter. It is called the cascade SCF realizations. This type of
realization also adopts a direct building block approach to determine the filter’s
transfer function in the z-domain. However, here the main transfer function is broken
into products of first- and second-order terms. In other words, the numerator and
denominator of a high-order (L = 3) transfer function are factored into first- and
second-order subfunctions. Each subfunction can be realized by one of the low-order
(first-order or biquad) filters mentioned earlier. Since each of the low-order filters is
individually buffered and capable of functioning independently, cascading them
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together will not affect their own transfer functions [14], thereby enabling a
straightforward and easy-to-troubleshoot design. In practice, the cascade
configuration is usually adopted to realize medium-to-high-order (3 < L < 12)
SCFs that provide a medium-to-high selectivity (1 < Q < 30).

However, when it comes to even higher-order and more stringent selectivity
requirements, the cascade SCF realizations are inappropriate because the resulting
high-order transfer functions typically have high-Q poles (i.e., poles that are located
very close to the unit circle in the z-plane). In effect, the value of each system
coefficient, or, equivalently, capacitance ratio has a long string of digits after the
decimal point, resulting in a frequency response so sensitive to the component accu-
racy that it is impractical to fabricate the SCF using any existing CMOS technologies.

By contrast, an SFG-based SC ladder filter is typically less sensitive to component
variations because it is built from the doubly terminated LC two-port circuit, whose
frequency response normally has a very low sensitivity to component variations. This
implies that the passband response of a realized high-order SC ladder filter is flatter
(1.e., with smaller ripples) as compared to that of its cascade counterpart.

Despite its superior sensitivity performance, an SC ladder filter typically requires
a more sophisticated design strategy and advanced mathematical discussions, which
involve multiple-parameter sensitivity analyses and optimal signal terminations. As a
result, it is more difficult to troubleshoot a high-order SC ladder filter than it is to
troubleshoot a cascade SCF. Moreover, in an LDI-transformed or an approximate SC
ladder filter design, many feedback capacitors with a large capacitance spread are
required, limiting the clock sampling frequency and occupying a large silicon area
[11][14]. Due to the space constraints of this book, we will investigate the cascade
SCF approach only (through a low-pass SCF design example). For more information
on the ladder approach, the reader is referred to the literature.

Biquad Ordering and Dynamic Range Scaling

As mentioned earlier, multiple SC biquads can be cascaded to realize a high-order
SCE. We have seen the biquad suitable for realizing a low-Q second-order transfer
function (namely, Type-1 biquad as shown in Figure 3.12), and the other for realizing
a high-Q function (namely, Type-2 biquad as shown in Figure 4.3). They are widely
used as the building blocks of a high-order SCF.

The next logical step is to determine the ordering of biquads when more than two
biquads are required to realize an SCF (i.e., L = 6). Apparently, it is impractical to
use either only low-Q or only high-Q biquads to realize the SCF, because the former
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cannot provide the adequate stopband attenuation, while the latter will cause the
output to have a significant peaking near the corner frequency (i.e., @,) and the
resulting SCF may not be stable (see Chapter 3).

To simplify the analysis, we assume that three biquads (namely, Q;, Q,, and Q5)
are needed to build a sixth-order SCF, with their quality factors differing from each
other such that Q; > O, > Q;. Then we have six ordering options as follows: Q; —
0> 050502 0,0 20> 0,0, 0> 0,0, > 01— 0y, and O,
— 01— 0.

The Q; — Q, — Qj; configuration allows the last two stages to attenuate the
peaking near the corner frequency. However, it can be shown that a high-Q first stage
typically results in large capacitance spread and high sensitivity because the most
sensitive pole (i.e., the pole closest to the unit circle) is not paired with a nearby zero
[15]. In comparison, the Q; — O, — O, configuration generally results in a smoother
passband with smaller ripples, but the high-Q final stage still causes some peaking
near the corner frequency since the pole-zero pairing operation is not optimized. The
0, — 0; > 0, and O, — Q3 — O, configurations can be used to achieve similar (but
not much better) capacitance spreads as compared to the aforementioned two.

In practice, the last two configurations, Q; — Q; — O, and Q, — Q; — Q;, are
more widely adopted since either of them can be used to realize the cascade-type
SCF of the smallest possible capacitance spread and the lowest possible sensitivity to
component variations. Which one to choose is highly dependent on the application’s
requirements, and it is always worthwhile to test both configurations using a
computer-based simulation before making the final decision.

Having determined the biquad ordering, we shall work on the capacitance
assignment. The common practice is as follows. In each biquad stage, both op-amps’
feedback capacitors (which usually have the largest capacitance values in the
circuitry) are normalized to 1, and substituted into the design equations generated
from the z-domain transfer function of the biquad to determine the remaining initial
capacitance values. The next important step is called dynamic range scaling. The
basic idea of dynamic range scaling is to scale the magnitude of each op-amp output
voltage such that all op-amps saturate for the same input level, enabling the SCF to
work with the largest possible input dynamic range.

The typical implementation of dynamic range scaling is as follows [14]. First,
increase the input voltage V,, till the filter’s output is on the edge of being saturated
(not saturated yet). Calculate (usually by computer simulation) the voltage value of
each internal op-amp’s output at this saturation point. Then multiply all the
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capacitors connected to the output node of each op-amp by its output voltage value.
Next, capacitance minimization or scaling is carried out. Scale all the capacitors
connected to the input of each op-amp such that the smallest (nonzero) capacitor
among them is normalized to 1. Start from the first op-amp in the first biquad stage,
and repeat the process for all the succeeding op-amps in the system.

EXAMPLE 4.1

Assume that the low-Q biquad shown in Figure 3.12 is the last stage of a high-order
cascade SCF. Also assume that initially C, = C, = 1, M, = 0, M, = 0.1256, M5 =
0.1558, My = 0.1103, M, = 42.568, and M; = 59.965 (the last two items are the results
of the preceding stage’s scaling operation). Before scaling this stage, the maximum
values of the first and second op-amp output voltages are 500 and 250, respectively.
Perform dynamic range scaling on the capacitance values. The desired output voltage
value of each op-amp should be normalized to 1 after scaling.

Solution: We start with the first op-amp. First, let us multiply the capacitors
connected to its output terminal by 500, and we get

C/=500 and M:=779 (4.16)
Then we perform the same operation for the second op-amp, and we have
C5=250,M;=31.4, and M;=27.575 4.17)

Next, scale all the capacitors connected to the input of each op-amp such that the
smallest capacitor among them (in this case it is My") is normalized to 1. We can
write

C/=17962,M;/=1, and M;=1.356 (4.18)
For the second op-amp, we carry out the calculations in a similar manner:
CY=9.066, M{=1,M=2.825, and M=2.175 (4.19)

The capacitance values given by Equations (4.18) and (4.19) are the scaled results. If
we assume that the smallest capacitor—that is, the unit capacitor is equal to C, then
the final capacitance values are obtained by multiplying these results with C. The
size of C is determined by two main factors: One is the minimum-size limit due to
fabrication tolerances, and the other is the noise (typically k7/C or sampling noise)
requirement [14][16].
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An interesting question with respect to dynamic range scaling is often raised:
Does the operation of dynamic range scaling affect the SC filter’s frequency
response? As we learned in Chapter 3, in a typical SC circuit, an SC passive element
is used to simulate a physical resistor. Thus, if we assume that the SCF, which
undergoes dynamic range scaling, can be realized by replacing all physical resistors
in a certain RC filter with SC elements, then it is easy to find that in essence the
operation of dynamic range scaling in the SCF is equivalent to multiplying all
resistance values by a scaling factor S and all capacitance values by (1/S) in that RC
filter. Therefore, theoretically speaking, as far as the overall time constant (either the
true or the SC-simulated RC product) is concerned, no significant change is made,
and the frequency response of the SCF should not be influenced by dynamic range
scaling, except that the maximum output voltage magnitude may be altered.

Finally, although adequate to many practical SCFs’ specifications, the aforemen-
tioned capacitance assignment process cannot guarantee to achieve the smallest
possible total capacitance or capacitance spread. In other words, it is not the optimal
capacitance assignment. This is due to the inherent assumption made for the
preceding analysis that dynamic range scaling and capacitance minimization are
independent of each other and can be performed separately [16]. The reader is
referred to [16] and the literature for more information about how to fulfill the
optimal capacitance assignment.

Design Example: An Elliptical Low-Pass SC Filter

This subsection details the design of a high-order low-pass SCF. Techniques such as
dynamic range scaling and capacitance minimization are utilized in this example.
Before proceeding, note that the goal of presenting this work is not to report an
optimal result but rather to demonstrate the top-down design procedure in the form
of a step-by-step tutorial.

The target specifications of the SCF are listed in Table 4.1. Based on these specifi-
cations, the filter’s z-domain transfer function can be simulated and determined by
using MATLAB. The source codes are included in Appendix 4.1. In such a system-
level simulation, we assume that the maximum allowable passband ripple is equal to
0.1 dB, and that the stopband attenuation is at least 75 dB to provide some design
margin for the circuit-level implementation. Next, let us go through the design.

To determine the filter topology, four different filter types (Butterworth, Chebyshev
I, Chebyshev 11, and Elliptical) are simulated based on the specifications in Table 4.1,
and their simulated (ideal) frequency responses are shown in Figure 4.6 (the
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Gain [dB]

Gain [dB]

Table 4.1 Target specifications of the low-pass SCF.

Parameter Value Units
Sampling frequency 30 MHz
DC gain in passband 0 dB
Passband 0-1.5 MHz
Ripple in passband <0.3 dB
Stopband 3-9 MHz
Attenuation in stopband 65 dB
Minimum capacitor size 0.5 pF
Power supply voltage 3.3 V
Frequency response of a Butterworth LPF Frequency response of a Chebyshevl LPF
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Figure 4.6 Frequency responses of four filters.
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dot-and-dash lines stand for the passband and stopband requirements). As Figure 4.6
shows, the elliptical low-pass filter is the best choice out of the four, because it requires
only six op-amps (i.e., it is a sixth-order filter). From computer simulation, we obtain
the ideal transfer function of this sixth-order elliptical low-pass filter, which is given by

G-(z*-1.63z+1)-(z*=1.394z+1)-(z>+0.2202z + 1)

H =
) (z2=1.7212+0.7479) - (z* = 1.7647 + 0.8316) - (z* — 1.8377 + 0.9427)

(4.20)

Here, the constant G is equal to 0.00038221. From simulation, we can find the zeros
and poles of this transfer function. The zeros are as follows:

~0.1101 + j0.9939
~0.1101 — j0.9939
0.8150 + j0.5795
0.8150 — j0.5795
0.6970 + j0.7171
0.6970 — j0.7171

Zeros = 4.21)

And the poles are

0.9185 + j0.3147
0.9185 —0.3147
0.8820 + ;j0.2317
0.8820 — ;j0.2317
0.8605 + j0.0863
0.8605 — j0.0863

From these results, we can obtain the approximate value of the highest pole-Q for
each biquad. A more accurate approach of finding pole-Q can be found in [16].

Poles = (4.22)

The next step is to pair the poles with the nearby zeros. As a general rule of
thumb, the most sensitive pole (the pole closest to the unit circle in the z-plane) should
have the priority to pair with the zero closest to it, the second most sensitive pole will
be the next to pair with a nearby zero, and so on [15]. Following this rule, we pair the
poles and zeros, and the three biquadratic transfer functions are found as follows:

72+0.2202z+1

H =C , =8.071
(=G ro7a9 @ )
722—=1.63z+1
H, (z)=C (0, =9.738 ,
=G T 007 @ ) (423)
22213947 +1
H =C , =3.311
(=G e roese @ )
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Note that C;-C,-C; = G = 0.00038221.

As mentioned earlier, experience shows that placing the higher-Q biquad in the middle
and the lower-Q biquads in the first and last stages tends to result in a lower sensitivity and
a lower capacitance spread. Thus, we here decide to place the high-Q H,(z) in the middle.

Now, there are two possible ways to place the remaining two biquads: place H,(z) in
the first and H;(z) in the third stage or the other way around. Computer simulation
shows that in this particular case, the former is a better configuration than the latter
because it results in a lower capacitance spread. In fact, after dynamic range scaling,
the first configuration provides a capacitance spread of 16.395, while the second pro-
vides 24.221. Therefore, in this example, the chosen biquad ordering is H,(z) — H,(z)
— Hi(z). The frequency response of each individual biquad is shown in Figure 4.7.

The complete SCF is shown in Figure 4.8. As the schematic shows, the first and
third stages are realized based on the Type-1 biquad presented in Figure 3.12 (note

Frequency response (first stage) Frequency response (second stage) Frequency response (third stage)
20 20 20

0 0 0
—20 —20 —20
J— S
i / i F i /
k=) k=) k=)
c —40 ' —40 c —40
< © [
(O] O] O]
-60 ) -60 l -60
-80 -80 -80
-100 -100 -100
0 0.5 1 0 0.5 1 0 0.5 1
Normalized frequency, Q Normalized frequency, Q Normalized frequency, Q

Figure 4.7 Frequency responses of three individual biquads.
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Figure 4.8 Sixth-order elliptical low-pass SCF.
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that switch sharing is employed), whereas the second stage is realized based on the
Type-2 biquad shown in Figure 4.3. Additionally, note that the filter output jumps

only during the P, phase.

The next step is to use dynamic range scaling to scale the peak output voltage of
each op-amp. Figures 4.9(a) and (b) illustrate the output of each op-amp before and
after scaling, respectively. The peak op-amp output voltages before scaling shown in
Figure 4.9(a) are obtained from SWITCAP (see Chapter 3) simulation based on the
circuit shown in Figure 4.8, using the initial capacitance values calculated by

First op-amp (first stage)

80
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Vout —peak =:3.8V
& 40
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20
L

1 2 3 4

x 108
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1 2 3 4
x 108
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Second op-amp (first stage)

First op-amp (second stage)

(a)
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Figure 4.9 Peak op-amp output voltages (a) before scaling and (b) after scaling.
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Figure 4.9 Continuted

MATLAB simulation. After dynamic range scaling is applied to the initial
capacitance values using MATLAB, the resulting scaled capacitance values are
used to replace the initial ones in the circuit presented in Figure 4.8, and the circuit
simulation in SWITCAP is carried out again. The new peak op-amp output voltages
resulting from SWITCAP simulation are shown in Figure 4.9(b). The reader is
referred to Appendix 4.1 for more simulation details.

To minimize the total capacitance, these scaled capacitances are normalized with
respect to the smallest capacitance (0.5 pF in this case). The resultant capacitance
values are listed in Table 4.2. The resulting capacitance spread is about 16.4, and the
nominal total capacitance value is equal to 50.95 pF.
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Table 4.2 Capacitance values before and after scaling.

Biquad stage Capacitor Initial capacitances Scaled capacitances
before scaling (pF) (pF)
C1.1 2.1262 0.5
c2_1 0.2848 0.71676
C3_1 0.2848 1.8515
First stage C4_1 0.2025 1.0835
CA_1 1 3.0571
CB_1 1 5.3502
C1”_1 1 0.5
Ci1_2 1.0732 0.5
c2_2 0.3248 1.3220
C3_2 0.3248 1.4333
Second stage C4_2 0.1765 0.71859
CA_2 1 3.8760
CB_2 1 4.6341
C17_2 0.9427 0.5
C1_3 11.6834 1.8749
Cc2_3 0.1900 0.5
C3_3 0.1900 41171
Third stage C4_3 0.3370 2.7630
CA_S 1 6.9535
CB_3 1 8.1982
C17_3 1 0.5

Having determined the capacitance values, we should investigate the issues
involved in the circuit implementation. Essentially, we must specify three important
parameters with respect to the op-amps used in the SCF: dc gain, unity-gain-band-
width (UGBW), and slew rate.

Assume that the average dc gain of the op-amps in a SCF is given by A, (i.e., A
is the finite op-amp gain), and as the result, the corner frequency of the filter will be
shifted from w, to Aywy/(A, — 1) [17]. If the average op-amp gain is no less than
1000 V/V, or, equivalently, 60dB, this deviation of the corner frequency is negligible.
However, the phase error due to the finite op-amp gain, which often appears in
the form of pole-Q shift, cannot be neglected and is indeed rather problematic
particularly for high-Q biquads. It can be found that the ith pole-Q in the presence
of a finite op-amp gain A, is given by [17][18]
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1 1 2

Qi - QiO AO
where Q;is the desired value of the ith pole-Q, and the factor 2 means that two op-
amps are used in a SC biquad. The pole-Q shift contributes to an undesirable change
in magnitude near the peak of the gain response (or the passband ripple), whose
maximum value (in decibels) is given by

(4.24)

AG =20 lg(l + 2Q—m) (4.25)
Ao
Recall from previous simulation results that the largest pole-Q in this low-pass

SCF is equal to 9.738. If we assume that AG = 0.1 dB, then from the foregoing
formula we can calculate the minimum op-amp dc gain A, required, and the result is
about 1682 V/V or 64.5dB. To provide a sufficient design margin, here we specify
the minimum op-amp dc gain to be 2500 V/V or 68 dB.

The effect of finite op-amp bandwidth on the SCF is typically analyzed based on
the circuit’s linear settling behavior. Specifically, we should focus on the time taken
for each op-amp to reach a specified percentage of its final value when the input’s
step size is still relatively small, such that the slew rate (which governs the nonlinear
settling performance) limit is not yet a concern.

A first-order closed-loop op-amp model that has a 90-degree phase margin (PM)
is often employed to simulate and analyze the linear settling characteristics of an
op-amp. In this model, it is assumed that the poles are widely separated from each
other, and that the op-amp frequency response is dominated by only one pole, hence
it is also called the single-pole op-amp model [17]. The generic closed-loop op-amp
gain function can then be written as

1

B_i_i
()

Ay (s)= (4.26)

where A, is the closed-loop op-amp dc gain, f3 is the feedback gain or the

feedback factor, and @, is the —3dB frequency of the closed-loop op-amp’s
frequency response. Since a perfectly compensated (i.e., with a 90-degree phase
margin) closed-loop op-amp model is employed here, we can approximate @, to

the product of the unity-gain bandwidth (UGBW) of the open-loop op-amp ®,;, and

B 119].
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Also, it can be found that the time constant 7 of the closed-loop op-amp model is
given by
1 1

T=—=
o, Po,

4.27)

In the presence of a small step input, the time constant 7 dictates the settling
characteristic of the op-amp. From signals and systems theories we know that the
step response of a linear feedback system is given by

V. (1)=V @—é%) 4.28)

step
Through calculations, we find that the time needed for a closed-loop single-pole op-
amp’s output voltage (V,,,) to settle within 0.1% of its final value (V,,,) is about 7 7.
On the other hand, it is the golden rule of implementing any SC circuit that the
output voltage must settle down satisfactorily within half the clock period, otherwise
the accuracy of the SC circuit will be corrupted. Therefore, the settling time (7 7)
must be kept less than or equal to 7/2. Here, we set the requisite (to leave some
design margin) as follows:

1T < %T (4.29)
Apply Equation (4.27) to Equation (4.29), and we have
56
@, 2 % fo (4.30)

Note that the clock sample frequency f; is equal to 30 MHz here. The next step is to
find the smallest possible value of f3, so that the open-loop UGBW (w,;) required in
the worst-case scenario can be decided. For this reason, the feedback factor of each
SC integrator in the filter is calculated. The results are listed in Table 4.3.

Table 4.3 Feedback factors of the integrators in the SCF.

Feedback factor (i= 1, 2, and 3) First stage Second stage Third stage
B (of the first integrator) 0.860 0.890 0.665

= Cail(Cai+ Cy)
B (of the second integrator) 0.743 0.764 0.788

=Cg i/(Cp i+ Cs))
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Note that the smallest feedback factor is equal to 0.665. From Equation (4.30),
we can thus find that m,, should not be smaller than 842.11 Mrad/s, or, equivalently,
134.026 MHz. For the sake of design margin, we specify that each op-amp in the
filter have a UGBW of no less than 140 MHz.

The third important op-amp parameter to be determined is the slew rate. Slew
rate is known as the rate at which the output changes when the input signal has large
steps. The slew rate of an op-amp can also be defined as the rate at which the op-amp
is able to charge or discharge the capacitive load (C;) at its output terminal [19]. A
precise slew-rate analysis should not ignore the correlation between the slew rate (i.e.,
nonlinear settling) and the finite op-amp bandwidth (i.e., linear settling). As we know
from the small-signal model of an op-amp, the transconductance (g,,) of the op-amp’s
input device is not independent of the current (Z,) that flows through it. As the result,
computer simulation is usually adopted to generate contours to investigate the exact
relationship between the UGBW (which is generically represented by g,,/C;), the slew
rate (which is generically represented by 1./C;), and the capacitive load C;.

As an alternative to the preceding method of calculating slew rate, a simple but
slightly pessimistic estimation can be used to obtain the minimum value of the slew
rate required to maintain the accuracy of the filter. First, express the output slew
time of an op-amp as

AV AV
t - out — out 4. 3 1
SR S R ‘ avom ( )
ot

where SR is short for slew rate. Assume a sinusoidal input v;,(f) = V., Sin @,f is
applied to the filter. To consider the worst-case scenario, we go on to assume that @,
is the highest frequency within the passband of the SCF (it is equal to 27 X

1.5 Mrad/s in this case), and that V,,,, is the largest possible op-amp voltage swing
(use the power supply voltage V,;, = 3.3 V). The maximum input slope is then

given by

ot

To keep up with the input change during the sampling phase (i.e., within half the
clock period), the output step AV,,, should reach its peak within the slew time.
Assume that the output slew time takes up a portion of the clock period—that is,

tg=aT, 0<a<0.5 (4.33)

=w,V, (4.32)

a ’ max

max
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Combining Equations (4.31) to (4.33), we obtain the expression of the minimum
output slew rate as follows:

wavmax ’ Z 1
SRmin = —2 = _anmaX (434)
aT 2a

In practice, the value of a typically ranges between 0.25 and 0.75; however, to leave
some design margin for the circuit implementation, here we assume a = 0.1, which is
smaller than most practical circuits would allow, and we can specify the minimum
op-amp slew rate, which is about 155.51 V/us.

Having determined the op-amp design parameters, we should consider the real-
ization of switches using MOSFET devices. As we learned in Chapter 1, on-chip
switches built of MOSFET devices suffer from several nonidealities, one of which is
the nonzero on-resistance. When a MOS transistor is operated in the linear or triode
region, it behaves like a resistor whose resistance value is given by

1

R, =———— 4.35
. ZK'(Vgs_‘/th) ( )

where K is a constant for a given process, and (V,, — V;,) is the effective overdrive
voltage. In an SC circuit, the MOSFET switch is typically used to charge a capacitor
to a specific voltage (e.g., Vi,). Also, the on-resistance R,, of the switch directly
affects the time constant 7, hence the linear settling time of the op-amp.

From Table 4.2 we can calculate and conclude that the largest time constant in
the low-pass SCF under design is due to the SC combination located around the
second op-amp of the third biquad stage; this is because Cj 5 has the largest capaci-
tance value, which is equal to 8.1982 pF. From Equation (4.29), we can calculate the
maximum value of R,, that the SCF permits, which is given by

R, wax= ST =218 Q (4.36)
B 56C; ;5
Insert this value into Equation (4.35), and assume that u,C,, = 60 uA/V?, W,Cor =
20 UA/V?, (Vo = Vi) max = 3.0V, then we have

(E) :l(ﬂj _ Ko _ ! ~12.742  (437)
L n_min 3 L p_min :LlnC uncaxth V’s_‘/th)max

ox on_max ( g

To leave some room for adjustment, we can choose the minimum transistor sizing
ratio of 15/1 for NMOS and 45/1 for PMOS.
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CMOS transmission gates can be used to construct the critical switches in the
circuit to alleviate the charge injection errors. In this SCF, the input branches of the
first and second biquad stages as well as the C, ;, C4 », and C”| ; branches can be
built using transmission gates. Additionally, the fully differential configuration can
be employed to optimize the SCF’s common-mode noise rejection performance.

Henceforth, the circuit implementation of the SCF is fairly straightforward—that
is, it is all about the op-amp. A folded-cascode op-amp is adequate to realize the
parameter values that we specified earlier. The postlayout simulation results are
shown in Figure 4.10. The circuit layout is done using a 3.3-V 0.5-um CMOS
process. The frequency response of the low-pass SCF is shown in Figure 4.10(a),
while the passband ripples are shown in Figure 4.10(b).

As a final note, it is worthwhile to investigate the effect of capacitor mismatch
on the SCF’s frequency response. A random capacitor-mismatch sequence with a

Frequency response of the filter
20

\
\_///////////’

1 2 3 4 5 6 7 8 9 10
[Hz] x 10

(a)

Figure 4.10 Postlayout simulation results: (a) frequency response, (b) passband
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Figure 4.10 Continued

standard deviation of 0.1% is generated using MATLAB. The new capacitor values
with the mismatch elements are used to replace the ideal ones in the SWITCAP
netlist. Then the effect of capacitor mismatch on the filter’s passband performance is
simulated in a SWITCAP environment, and the result is shown in Figure 4.11.

Note that the capacitor mismatch has caused the peaking in the passband to
exceed 0.1 dB, which is not trivial as compared to the 0.1-dB limit that we specified
earlier. Nevertheless, the peaking is still below the original specification in Table 4.1
(i.e., 0.3dB).

4.4 High-Frequency CMOS Switched-Capacitor Filters

In comparison with active RC and Gm-C filters, active SC filters are capable of
providing highly precise and programmable frequency responses, without the helps
of dedicated on-chip tuning devices. Very accurate CMOS SC filters that have a
maximum signal-to-noise-plus-distortion-ratio (SNDR) of nearly 96dB have been
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Figure 4.11 Passband ripples (with and without mismatch).

realized, most of which are mainly adopted to meet the needs of high-quality audio
and sensor applications. Also, it is easier to build a parasitic-insensitive filter using
SC than it is to use active RC or Gm-C techniques.

However, as we know, an SCF is a sampled-data system that must satisfy the
Nyquist-rate requirement. That is, the clock sampling frequency must be at least
twice the highest signal frequency to avoid aliasing. In practice, the clock frequency
is several times higher than the maximum signal frequency to reduce the selectivity
requirements for the antialiasing filter. This imposes an inherent limitation on the
capability of the SCF to process high-frequency signals [20][21].

By contrast, active RC and Gm-C filters are continuous-time (CT) systems with
no inherent limitations due to the Nyquist-rate sampling requirement. Furthermore,
Gm-C filters often make use of open-loop rather than closed-loop operational trans-
conductance amplifiers (OTAs), and as a result, Gm-C filters typically have a speed
advantage over both SC and RC filters, particularly for applications in the hundreds
of megahertz range. Nevertheless, as mentioned earlier, continuous-time Gm-C filters
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cannot provide accurate system coefficients, which are primarily determined by the
products of resistors and capacitors, without using the sophisticated and power-
hungry tuning circuitry. Consequently, the achievable SNDR performance of an
active Gm-C filter is typically worse than 65dB. A few Gm-C filters that are able to
provide SNDRs within the range between 65dB and 75dB using BiCMOS technolo-
gies (i.e., integrating bipolar junction transistors and CMOS transistors into a single
device) have been reported recently, in order to meet the needs of wireless communi-
cations and TV tuning applications. However, most of them are still inadequate to
satisfy the accuracy requirements placed by applications such as instrumentations
and analog video processing. Moreover, in these applications, the requirements of
operating speed are, though still often on the megahertz level, not as stringent as that
required by the aforementioned wireless communications. Therefore, it is highly
anticipated that SCFs may take over these territories, and the design of SCFs for
high-speed applications requiring medium-to-high accuracy has been a prevalent
research topic in the area of analog circuits and systems.

Although high-frequency SCFs implemented in GaAs MESFET (i.e., Gallium
arsenide metal-semiconductor field-effect transistor) [22] have been exploited, the
majority of research activities so far have emphasized the practical implementation of
high-frequency SCFs in standard CMOS technologies for the sakes of cost and
adaptability to the system-on-a-chip (SoC) environment, where analog and digital
circuitries are integrated onto a single chip.

It can be shown that the major bottleneck of realizing a high-frequency CMOS
SCF is the requirement for high-gain and large-bandwidth op-amps, which provide
virtual grounds for accurate charge transfer [17][18]. Although it is possible to realize
CMOS op-amps that can provide the required gain and bandwidth values, the
resultant high power consumption often hinders the practical realization [23][24].

Besides the large-gain-bandwidth approach, a few interesting techniques have
been reported to enhance a CMOS SCF’s ability to operate in the hundred-
megahertz range. They can be roughly classified into two groups: op-amp based
and unity-gain-buffer based. The former keeps the op-amp in the SCF, while the
latter replaces it with a unity-gain buffer (UGB) [20].

It is well known that large-bandwidth or high-speed op-amps tend to have low dc
gains due to the fundamental tradeoff between RC time constant and g,R,,,. A low
op-amp dc gain tends to introduce nonlinearity errors to the SC integrator’s output,
hence compromising the filter’s accuracy performance. As a response to this problem,
op-amp-based techniques typically emphasize modifying the traditional op-amp

116



Switched-Capacitor Filters

structures so that the resultant new op-amps are capable of fulfilling both the speed
and accuracy requirements of a high-frequency SCF, despite the fact that they
typically have low dc gains [10]. An op-amp-based SC biquad that operates at a
clock sampling rate of 200 Msamples/s (with the double sampling configuration)
and consumes 10mW in a 3.3-V 0.5-um CMOS technology has been reported by
Baschirotto et al. [25].

The biquad reported by Baschirotto et al. is claimed to achieve a dynamic range
of 62dB with a 1% total-harmonic-distortion (THD) while using op-amps with an
average dc gain of as low as 80 V/V, or equivalently, 38dB. The circuit is realized
based on a technique called gain regulating, or equivalently, the precise op-amp gain
design approach as named in [25]. The basic idea is to precisely control (or regulate)
the low dc gain of each large-bandwidth op-amp in the high-frequency SCF and
use the regulated gain value as a reference to scale the capacitances in the circuit, so
that the effective error in the SCF’s frequency response due to the regulated op-amp
dc gain (A) is equivalent to the error that would have occurred if the op-amp had an
effective op-amp gain of (A/¢€) but the same large UGBW (apparently, it is unlikely
that this type of op-amp would exist physically), where € is the maximum variance
of the regulated op-amp dc gain A [25]. Therefore, as far as the accuracy of the
biquad is concerned, the effective op-amp gain is approximately (A/€). Use the
proposed biquad as an example: each op-amp’s gain is regulated by a control-loop
composed of a replica op-amp and an integrator so that the value of € is limited to
about 2%, hence the effective op-amp gain can be obtained by dividing 80 V/V by
0.02, and the result is 4000 V/V, or equivalently, 72 dB.

As the alternative to the op-amp-based approach, the unity-gain-buffer-based
technique makes use of unity-gain buffers to build SC integrators [20][26][27][28].
A typical unity-gain buffer (UGB) is able to work over a much wider signal
bandwidth than the conventional op-amp. In addition, a UGB can be realized using
simpler circuitry; as a result, it occupies less silicon area and consumes less power
than a conventional large-gain-bandwidth op-amp does. Thus, SCFs built on UGBs
are particularly attractive to small-form-factor portable devices that require a low
power consumption to maintain a long battery life.

However, UGB-based SC integrators suffer from parasitic capacitances, which are
mainly caused by the source-gate diffusions in the UGB’s input transistors, whose
values tend to vary with process and temperature. Moreover, the parasitic-insensitive
techniques introduced in Chapter 3 cannot be used on UGB-based SC integrators,
because the low gain (nominally equal to 1) UGB does not have a virtual ground
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that is essential for accurate charge transfer. For the same reason, the offset voltage
at the input terminal of the UGB is equally problematic. At the time of this writing,
the appropriate solution to the preceding issues with respect to the UGB-based SC
circuit is not yet available, but the reader can find a few useful discussions in
[26][28].

Appendix 4.1
Part I: Filter Specification
¥ — original specifications of the filter ————-

clear all;

close all;

Fp = 1.5e6; % passband edge frequency [Hz]

Fs = 3.0e6; % stopband edge frequency [Hz]

Fc = 3.0e7; % sampling frequency [Hz]

Wp = 2*Fp/Fc; % passband normalized frequency

Ws = 2*Fs/Fc; % stopband normalized frequency

We = 2; % sampling normalized frequency

Rp = 0.10; % maximum passband ripple [dB]

Rs = 75; % minimum stopband attenuation [dB]
nfig0=1;

Wa_max=1;
Wa_nr=2"10;

Wa=linspace(0,Wa_max,Wa_nr); % frequency range
% —- Locations of zeros and poles of the Elliptic filter ——

figure(nfig0+2);

zplane(z,p); hold on;

title(‘Locations of zeros and poles of the Elliptic filter’);
xlabel(‘real part’);

ylabel(‘imag part’);

grid on;

oe

——— Decomposition of H(z) into three sections ————-

figure(nfig0+3);
Hl_a3=(real(p(3)))"2+(imag(p(3)))"2;
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H1=tf([1 -2*real(z(5)) 11,[1 -2*real(p(3)) H1_a3],1/Fc)
[z1,p1,k1]=tf2zp([1 -2*real(z(5)) 1],[1 -2*real(p(3)) H1_a3l);
Ql=abs(atan(imag(pl)./real(pl))./2./(l-sgrt((real(pl)."2+imag(pl).”2))))
% Q1 is an approximate value.
alphal=1-2*sqgrt(H1_a3)*cos(atan(imag(p(3))/real(p(3))))+(H1_a3);
betal=1-H1_a3;
Ql_accurate=sqgrt(alphal*(1-0.25*alphal-0.5*betal))/betal

% The first biquad is a low_Q one.

omegal=Fc*(sqgrt(alphal/(1-0.25*alphal-0.5*betal)))

H2_a3=(real(p(1)))"2+(imag(p(1)))"2;

H2=tf([1 -2*real(z(3)) 11,[1 -2*real(p(l)) H2_a3]l,1/Fc)
[z2,p2,k2]=tf2zp([1 -2*real(z(3)) 1],[1 -2*real(p(l)) H2_a3l);
Q2=abs(atan(imag(p2)./real(p2))./2./(l-sgrt((real(p2).”2+imag(p2).72))))
% 02 is an approximate wvalue.

alpha2=1-2*sqgrt (H2_a3)*cos(atan(imag(p(l))/real(p(l))))+(H2_a3);
beta2=1-H2_ a3;
Q2_accurate=sqgrt(alpha2*(1-0.25*alpha2-0.5*beta2))/beta?2

% The second bigquad is a high_Q one.
omegalZ=Fc*(sgrt(alpha2/(1-0.25*alpha2-0.5*beta2)))

HO_a3=(real(p(5)))"2+(imag(p(5)))"2;

HO=tf([1 -2*real(z(l)) 1],[1 -2*real(p(5)) HO_a3],1/Fc)
[z0,p0,k0]=tf2zp([1 -2*real(z(l)) 1],[1 -2*real(p(5)) HO_a3l);
Q0=abs(atan(imag(p0)./real(p0))./2./(l-sgrt((real(p0)."2+imag(p0).”2))))
% Q0 is an approximate wvalue.
alphaO=1-2*sqgrt(HO_a3)*cos(atan(imag(p(5))/real(p(5))))+(H0_a3);
betal0=1-HO0_a3;
Q0_accurate=sqgrt(alphal*(1-0.25*alpha0-0.5*betal))/betal

% The third bigquad is a low_Q one.
omegal=Fc*(sgrt(alphal/(1-0.25*alphal0-0.5*betal)))

k_decomp=k”~(1/3); % Decompose the gain.
subplot(131);
HHl=freqgz(k_decomp*[1 -2*real(z(5)) 1],[1 -2*real(p(3)) H1l_a3],Wa_nr);

plot(Wa, 20*loglO(abs(HH1)),‘k-"); hold on;
axis ([0 Wa_max -100 20]);
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title(‘frequency response(lst stage)’);
vlabel(*Gain([dB]’);
xlabel(‘Normalized frequency, \Omega’);

grid on;

subplot(132);

HH2=freqgz (k_decomp*[1l -2*real(z(3)) 1],[1 -2*real(p(l)) H2_a3],Wa_nr);
plot(Wa, 20*1loglO(abs(HH2)),'k-"); hold on;

axis ([0 Wa_max -100 201);

title(‘frequency response(2nd stage)’);

ylabel(‘Gain[dB]’);

xlabel (*Normalized frequency, \Omega’);

grid on;

subplot(133);

HHO=freqgz (k_decomp*[1l -2*real(z(1l)) 1],[1 -2*real(p(5)) HO_a3],Wa_nr);
plot(wWa, 20*loglO(abs(HHO)),'k-’); hold on;

axis ([0 Wa_max -100 201);

title(‘frequency response(3rd stage)’);

ylabel(*Gain[dB]’);

xlabel (*Normalized frequency, \Omega’);

grid on;

Part 1I: Dynamic Range Scaling and Capacitance Assignment

% — The first stage (low-Q) ——————-

Hl=tf([1 -2*real(z(5)) 11,[1 -2*real(p(3)) H1l_a3],1/Fc)

% A reminder. Next, format the transfer function.
nl_reformed=[1 -2*real(z(5)) 1];

dl_reformed=[1/(H1_a3) -2*real(p(3))/(H1_a3) 1];
Cl_pipi_first=1l; % Cl1'’

Cl_pi_first=0; % C1’
C2_first=sqgrt(dl_reformed(l)+dl_reformed(2)+1)
C3_first=C2_first
Cl_first=(nl_reformed(l)+nl_reformed(2)+nl_reformed(3))/C3_first
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C4_first=dl_reformed(l)-1
Ca_first=1
Cb_first=1

H2=tf([1 -2*real(z(3)) 11,[1 -2*real(p(l)) H2_a3],1/Fc)
% A reminder. Next, format the transfer function.
n2_reformed=[1 -2*real(z(3)) 11;
d2_reformed=[1/(H2_a3) -2*real(p(l))/(H2_a3) 1]1;
Cl_pipi_second=n2_reformed(l)/d2_reformed(l) % C1'’
C2_second=sqgrt((1+d2_reformed(l)+d2_reformed(2))/d2_reformed(l))
C3_second=C2_second
C4_second=(1-1/d2_reformed(l))/C3_second
Cl_second=sum(n2_reformed)/(d2_reformed(l)*C3_second)
Cl_pi_second=(n2_reformed(2)-n2_reformed(3))/(d2_reformed(1l)*C3_second);
if Cl_pi_second <= 0

Cl_pi_second = 0
end
Ca_second=1
Cb_second=1

oe

———————- The third stage (low-Q) ——————-

HO=tf([1 -2*real(z(l)) 11,[1 -2*real(p(5)) HO_a3],1/Fc)
% A reminder. Next, format the transfer function.
n0_reformed=[1 -2*real(z(1l)) 11;
dO0_reformed=[1/(HO_a3) -2*real(p(5))/(HO_a3) 1];
Cl_pipi_third=1l; % C1'’

Cl_pi_third=0; % Cl’
C2_third=sgrt(d0_reformed(l)+d0_reformed(2)+1)
C3_third=C2_third
Cl_third=sum(n0_reformed)/C3_third
C4_third=d0_reformed(l)-1

Ca_third=1

Cb_third=1

% ———————— Dynamic Range Scaling
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% Before scaling, use SWITCAP to simulate the peak output voltage
of each op-amp.
% The SWITCAP code 1is in bigquad_6thorder_ideal.in. Its results are

]

(o

% stored in the *.dat files, which will be loaded in the following.

load biguad_6thorder_bfscl_v2_1.dat;
ff=biquad_6thorder_bfscl_v2_1(:,1);

vdb2=biquad_6thorder_bfscl_v2_1
vdb3=biquad_6thorder_bfscl_v2_1
vdb4=biquad_6thorder_bfscl_v2_1
vdb5=biquad_6thorder_bfscl_v2_1
load biquad_éthorder_bfscl_v2_2.dat;
vdb6=biquad_6thorder_bfscl_v2_2(:,2);
vdb7=biquad_6thorder_bfscl_v2_2(:,3);

(:
(:
(:
(:

7

figure(nfig0+5);

subplot(231);
max_vdb2=max(vdb2);
max_vp2=10" (max_vdb2/20);
plot(ff,vdb2); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’,max_vp2);
text(1l.5e€6,48,s);

title(‘lst opamp(lst stage)’);
ylabel(*[dB]’);
axis([1,4e6,-10,80]);

grid on;

subplot(232);
max_vdb3=max(vdb3);
max_vp3=10" (max_vdb3/20);
plot(ff,vdb3); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’,max_vp3);
text(1l.5e6,48,s);

title('2nd opamp(lst stage)’);
ylabel(*[dB]’);
axis([1,4e6,-10,801);

grid on;

subplot(233);
max_vdbid=max(vdbi);
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max_vp4=10"(max_vdb4/20);

plot(ff,vdb4); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’, max_vp4);
text(1l.5e6,48,s);

title(‘lst opamp(2nd stage)’);

vlabel (' [dB]’);

axis([1,4e6,-10,801);

grid on;

subplot(234);

max_vdb5=max(vdbb5);

max_vp5=10" (max_vdb5/20);

plot(ff,vdb5); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’, max_vp5);
text(1l.5e€6,48,s);

title('2nd opamp(2nd stage)’);
ylabel(*[dB]’);

axis([1,4e6,-10,80]);

grid on;

subplot(235);

max_vdb6=max(vdb6);
max_vp6=10"(max_vdb6/20);

plot (ff,vdb6); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’,max_vpb);
text(1l.5e6,48,s);

title(‘lst opamp (3rd stage)’);

yvlabel (' [dB]’);

axis([1,4e6,-10,801);

grid on;

subplot(236);

max_vdb7=max(vdb7);

max_vp7=10" (max_vdb7/20);

plot(ff,vdb7); hold on;
s=sprintf(‘Vout-peak=%4.1fv\n’, max_vp7);
text(1.5e6,48,s);

title('2nd opamp (3rd stage)’);

123



Demystifying Switched-Capacitor Circuits

ylabel(*[dB]’);
axis([1,4e6,-10,80]);
grid on;

% Now, all the peak output voltages are known. Next, we start the

]

scaling.

% ——— Scale the first stage after SWITCAP simulations ——————

Ca_first_scaled=Ca_first*max_vp2;
C3_first_scaled=C3_first*max_vp2;
Cb_first_scaled=Cb_first*max_vp3;
C2_first_scaled=C2_first*max_vp3;
C4_first_scaled=C4_first*max_vp3;
Cl_second_scaled=Cl_second*max_vp3;

Cl_pipi_second_scaled=Cl_pipi_second*max_vp3;
% ——— Obtain minimum total capacitance in the first stage ——

]

o

% Among Cl_first, C2, and Ca(_first_scaled), divide all by the

]

smallest.

% Among Cl_pipi_first, C3, C4 and Cb(_first_scaled), divide by the

]

smallest.

% ——— Scale the second stage after SWITCAP simulations ————
Ca_second_scaled=Ca_second*max_vp4;
C3_second_scaled=C3_second*max_vp4;
Cb_second_scaled=Cb_second*max_vp5;
C2_second_scaled=C2_second*max_vp5;
C4_second_scaled=C4_second*max_vp5;
Cl_third_scaled=Cl_third*max_vp5;
Cl_pipi_third_scaled=Cl_pipi_third*max_vp5;

% ——— Obtain minimum total capacitance in the second stage ——

o

% Among Cl, C2, C4 and Ca(_second_scaled), divide all by the

o

smallest.
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% Among Cl_pipi, C3, and Cb(_second_scaled), divide by the smallest.
% ——— Scale the third stage after SWITCCAP simulations. ———-

Ca_third_scaled=Ca_third*max_vp6;
C3_third_scaled=C3_third*max_vpb6;
Cb_third_scaled=Cb_third*max_vp7;
C2_third_scaled=C2_third*max_vp7;
C4_third_scaled=C4_third*max_vp7;

% ——— Obtain minimum total capacitance in the third stage ——
% Among Cl, C2, and Ca(_third_scaled), divide by the smallest.

% Among Cl_pipi, C3, C4, and Cb(_third_scaled), divide by the

°

smallest.

Part lll: SWITCAP Program for Scaling and Filter Coefficients Simulation
TITLE: SIXTH-ORDER SC BIQUAD (IDEAL-OPAMPS)

TIMING;

PERIOD 3.3333E-8;
CLOCK PHI 1 (0 3/8);
END;

SUBCKT (1 5 9) biguadhighQ (K:P2 P:Clx P:C2x P:C3x P:C4x P:CAx P:CBx
P:CPIXx);

S1 (1 2) P2;

S2 (2 0) #P2;
S3 (3 0) #pP2;
S4 (3 4) P2;

S5 (5 6) #P2;
S6 (6 0) P2;
S7 (7 0) #P2;
S8 (7 8) P2;

S9 (9 10) P2;
S10 (10 0) #p2;
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Clx;
C3x;
Cix;
CAX;
CBx;

3)
3 10
7)
9)
5)
9)

(1 8) CPIx;
(5 0 0 4)

CPI
E1l

le5;

leb;

(9 0 0 8)

E2
END;

(K:P2 P:Clx P:C2x P:C3x P:C4x P:CAx P:CBx

bigquadlowQ

(11 5 9)

SUBCKT

P:CPIx);

—~ o~~~ o~~~ —~

—_— — — = — — ~—

~—

#P2;
P2;

(10 0)
Clx;

s10

(11 1)

SHN

3)

C3x;

7)

CBx;

9)
(1 8)

—_ = = = ~— —

CPIx;

CPI
El

(5 0 0 4) 1le5;
(9 0 0 8)

END;

le5;

E2

CIRCUIT;
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vl (1 0);

/*Before dynamic scaling*/

X1 (1 2 3) biguadlowQ (PHI 2.1262 0.2848 0.2848 0.2025 1 1 1);

X2 (3 4 5) bigquadhighQ (PHI 1.0732 0.3248 0.3248 0.1765 1 1 0.9427);
X3 (5 6 7) biguadlowQ (PHI 11.6834 0.1900 0.1900 0.3370 1 1 1);
/*After scaling*/

/*X1 (1 2 3) biguadlowQ (PHI 1 1.4335 3.703 2.1669 6.1143 10.7004 1);*/
/*X2 (3 4 5) bigquadhighQ (PHI 1 2.6441 2.8665 1.4372 7.7519 9.2682
1):*/

/*X3 (5 6 7) bigquadlowQ (PHI 3.7497 1 8.2342 5.5259 13.9069 16.3965
1);*/

END;

ANALYZE SSS;

INFREQ 1 4e6 LOG 300;

SET V1 AC 1.0 0.0;

SAMPLE OUTPUT IMPULSE 1 3/8-;
PRINT VDB(2) VDB(3) VDB(4) VDB(5);
PRINT VDB (6) VDB(7);

END;

END;

Part IV: Simulate the Effects of Finite Op-Amp Gain/Bandwidth
TITLE: 6th-order LPF BIQUAD (NON IDEAL-OPAMP MODELS)

TIMING;

PERIOD 3.333E-8;

CLOCK PHI 1 (0 3/8);
CLOCK rg 1/100 (0 1/200)
END;

SUBCKT (1 2 3 4) opamp (P:a0);
El (5 0 3 4) 1;
E2 (1 2 8 0) a0;

Sla (5 6) rgqg;
Slb (8 6) #rq;
S2a (8 7) rqg;
S2b (5 7) #rqg;
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Ceqg (6 7) 1.04167e-4;
Cp (8 0) 8; /* Bandwidth controlling parameter*/
END;

SUBCKT (1 5 9) biguadhighQ (K:P2 P:Clx P:C2x P:C3x P:C4x P:CAx P:CBx
P:CPIx);

S1 (1 2) P2;

S2 (2 0) #P2;

S3 (3 0) #P2;

sS4 (3 4) P2;

S5 (5 6) #P2;

S6 (6 0) P2;

S7 (7 0) #P2;

S8 (7 8) P2;

S9 (9 10) P2;

S10 (10 0) #P2;

Cl (2 3) Clx;

C2 (3 10) C2x;

C3 (6 7) C3x;

C4 (4 9) C4x;

CA (4 5) CAx;

CB (8 9) CBx;

CPI (1 8) CPIx;

xElL (5 0 0 4) opamp(2000);
xE2 (9 0 0 8) opamp(2000);
END;

SUBCKT (1 5 11) bigquadlowQ (K:P2 P:Clx P:C2x P:C3x P:C4x P:CAx P:CBx
P:CPIx);

sl (1 2) P2;
S2 (2 0) #P2;
S3 (3 0) #P2;
sS4 (3 4) P2;
S5 (5 6) #P2;
s6 (6 0) P2;
S7 (7 0) #P2;
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S8 (7 8) P2;
S9 (9 10) P2;
S10 (10 0) #P2;
S11 (11 9) P2;
Cl (2 3) Clx;
C2 (3 10) cC2x;
C3 (6 7) C3x;
C4 (7 10) C4x;
(4 5) CAx;
(8 9) CBx;
(1 8) CPIx;
(5 0 0 4) opamp(2000);
(9 0 0 8) opamp(2000);

CIRCUIT;

vl (1 0);

/*without capacitance mismatches*/

X1 (1 2 3) bigquadlowQ (PHI 0.5 0.71676 1.8515 1.0835 3.0571 5.3502

0.5);

X2 (3 4 5) biguadhighQ (PHI 0.5 1.322 1.4333 0.71859 3.8760 4.6341

0.5);

X3 (5 6 7) biguadlowQ (PHI 1.8749 0.5 4.1171 2.763 6.9535 8.1982 0.5);

/*with capacitance mismatches*/

/*X1 (1 2 3) bigquadlowQ (PHI 0.5005807749102 0.7172081863109
1.8529235412651 1.0843828663141 3.0581122223560 5.3425772737829

0.4994215386226) ; */

/*X2 (3 4 5) biguadhighQ (PHI 0.5000763755722 1.3217932424972
1.4304761979499 0.7172719968889 3.8714454914394 4.6310768558187

0.4997941648477) ;*/

/*X3 (5 6 7) biguadlowQ (PHI 1.8771135272584 0.5000207699676
4.1131684719799 2.7618695693500 6.9537708910291 8.1853492455430

0.5004532413102);*/
Cout (7 0) 8;
END;

ANALYZE SSS;
INFREQ 1 10e6 1lin 3000;
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SET V1 AC 1.0 0.0;
SAMPLE OUTPUT IMPULSE 1 3/8-;
PRINT VDB(3) VDB(5) VDB(7);

/*ANALYZE TRAN;

/*TIME 0+ 400 1/30;

/*SET V1 COSINE 0 1 1.5¢6 0 0 O;
/*PRINT v(out) v(7) v(5) v(1);
/*PLOT v(out) v(Inp) v(opout)*/
END;

END;

Part V: HSPICE Program to Simulate the Op-Amp Macromodel
.options post
.OPTIONS RELTOL=1le-9 ABSTOL=le-15 VNTOL=le-6 * VATOL=1le-8
*.include models
.PARAM wl=10u Ll=lu
* Subcircuit for a 741 op-amp
.subckt opamp 5 0 1 2
* +in (=1) -in (=2) out+ (=3) out- (=4)
rin 1 2 2meg
Gmvgs 0 4 1 2 b5m
rgbw 4 0 800k
cbw 4 0 5.305p
eout 5 0 4 0 1
.ends opamp
*SWITCHES 1st section
mL2 Ll phi2 L2 g cmosn w=wl L=L1
mL3 L2 phil g g cmosn w=wl L=L1
mL4 L3 phil g g cmosn w=wl L=L1
mL5 L3 phi2 L4 g cmosn w=wl L=L1
mL6 L5 phil L6 g cmosn w=wl L=L1
mL7 L6 phi2 g g cmosn w=wl L=L1
mL8 L7 phil g g cmosn w=wl L=L1
mL9 L7 phi2 L8 g cmosn w=wl L=L1
mL10 L9 phi2 L10 g cmosn w=wl L=L1
mL11 L10 phil g g cmosn w=wl L=LI1
mL12 outl phi2 L9 g cmosn w=wl L=LI1
*CAPS 1st stage
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CL1
cLa
cL2
cL3
cL4
cLb

L2
L4
L3
L6

L3 0.5p

L5 3.0571p
L10 0.71676p
L7 1.8515p

L10 L7 1.0835p

L8

L9 5.3502p

cLlpp L1 L8 0.5p
*opamps 1st bigquad

x11 L5 g g L4 opamp

x12 L9 g g L8 opamp
*SWITCHES 2nd section

mB1
mB2
mB3
mB4
mB5
mB6
mB7
mB8
mB9

bl
b2
b3
b3
b5
b6
b7
b7
b9

7

’

phi2 b2 g cmosn w=wl L=L1

phil g g cmosn w=wl L=L1
phil g g cmosn w=wl L=L1

phi2 b4 g cmosn w=wl L=L1

phil b6 g cmosn w=wl L=L1

phi2 g g cmosn w=wl L=L1
phil g g cmosn w=wl L=L1

phi2 b8 g cmosn w=wl L=L1

phi2 bl0 g cmosn w=wl L=L1

mB10 bl0 phil g g cmosn w=wl L=L1

mbll b9 phi2 out2 g cmosn w=wl L=LI1

*CAPS 2nd stage

CB1
cBa
cB2
cB3
cB4
cBb

b2
b4
b3
b6
b4
b8

b3 0.5p

b5 3.8760p
b10 1.322p
b7 1.4333p
b9 0.71859p
b9 4.6341p

cBlpp bl b8 0.5p
x21 b5 g g b4 opamp

x22 b9 g g b8 opamp
*SWITCHES 3rd section

*ml a phi2 1 0 cmosn w=wl L=L1

m2
m3
m4
m5

mé6

U w w N

phi2 2 g cmosn
phil g g cmosn
phil g g cmosn
phi2 4 g cmosn
phil 6 g cmosn

w=wl
w=wl
w=wl
w=wl

w=wl

L=L1
L=L1
L=L1
L=L1
L=L1
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m7 6 phi2 g g cmosn w=wl L=L1
m8 7 phil g g cmosn w=wl L=L1
m9 7 phi2 8 g cmosn w=wl L=L1
ml0 9 phi2 10 g cmosn w=wl L=L1
mll 10 phil g g cmosn w=wl L=LI1
ml2 9 phi2 out g cmosn w=lu L=L1
*CAPS 3rd section

cl 2 3 1.8749p

ca 4 5 6.9535p

c2 3 10 0.5p

c3 6 7 4.1171p

cd 10 7 2.763p

cb 8 9 8.1982p

clpp 1 8 0.5p

cLoad out 0 1p

*OPAMP

x31 5 g g 4 opamp

x32 9 g g 8 opamp

*connecting buffer

econl bl 0 outl 0 1

econ2 1 0 out2 0 1

vin L1 0 sin(1 1 1.5Meg 0 0 0);

Msample in phi2 L1 L1 cmosn w=wl L=LI1

vin L1 0 O

vphil phil 0 pulse(0 5 0 0.0lu 0.0lu 0.030u 0.1u)
vphi2 phi2 0 pulse(0 5 0.05u 0.0lu 0.0lu 0.030u 0.1u)
Vg g 0 1

.tran 0.1u 30u 20u
.print v(out) v(L1l) v(9)

*

include HP .5um Model files

*

.end
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CHAPTER

Switched-Capacitor Data Converters

5.1 Introduction

Data converters play a significant role in modern electronics systems because they
are the essential tools interconnecting the analog world and the powerful digital
signal processors (DSP). Since the 1970s, when complementary metal-oxide semi-
conductor (CMOS) fabrication technology was demonstrated as a competent candi-
date for cost-effective realizations of signal-processing functions in the digital
domain, many novel integrated CMOS data converters have been invented, enabling
the introduction of devices with prominent digital features such as digital video disc
(DVD) and audio compact disc (CD) players/recorders, digital cameras, and asym-
metric digital subscriber line (ADSL)/cable modems into our world.

Furthermore, with the fast advancement of wireless communications standards
and technologies since the mid-1990s, the demands for low-cost CMOS data convert-
ers of high data rate, high linearity, and high dynamic range that consume very little
power have increased dramatically [1][2]. A commercialized application of CMOS
data converters to wireless communications can be found in today’s wireless net-
working routers and relaying devices, which are built based on the wireless local
area network (WLAN) standards such as IEEE 802.11/a/b/g.

Most recently, the common focus of many research endeavors in the industry has
been on searching for the best CMOS-based method/standard to transmit broadband
multimedia signals (e.g., digital audio, digital video, and digital photography) wire-
lessly. One of the noteworthy candidates is the ultra-wideband (UWB) short-range
(10 meters or shorter) digital transmission system, which operates at a carrier fre-
quency within the range of 3.1 GHz to 10.6 GHz, and has a minimum signal band-
width of 500 MHz [3]. With such high carrier frequencies and data rates, the
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analog-to-digital (A/D) and digital-to-analog (D/A) interfaces of the UWB system
must be capable of operating at a fast sampling clock rate for a conversion accuracy
that can be readily achieved within the matching limitations of existing CMOS
technologies. In addition, it is known that one of the biggest advantages as well as
the major technical challenge of the UWB standard is that it is a wireless technology
of low transmission power, enabling prominent features such as the seamless switch-
ing and the information security. However, in the meantime, the low-power transmis-
sion imposes stringent dynamic-range limits on the A/D converters. Specifically, it is
extremely challenging to design a high-speed (gigahertz-level) ADC capable of
distinguishing the low-power desired signal from strong blockers such as background
noise and spectral images.

Before proceeding, it is instructive to categorize data converters into two main
types: Nyquist-rate and oversampling. Despite the naming, in practice Nyquist-rate
data converters seldom operate precisely at the input signal’s Nyquist rate (f; = 2f;,);
otherwise impractically acute filtering would be required. Rather, Nyquist-rate con-
verters are often clocked at 1.5 to 10 times the Nyquist rate.

On the other hand, as we will see in Section 5.5, oversampling data converters
use clock frequencies that are much higher than the Nyquist rate (typically 16 to 512
times higher), thereby maintaining the input signal power while expanding the
spectral bandwidth of the white-noise-like quantization noise power from 2f;, to
(2f;,- OSR), where OSR stands for the oversampling ratio. In effect, the in-band (f <
2f;,) quantization noise power is reduced by OSR times in comparison with that of
the configurations clocked at 2f;,, thus the signal-to-quantization-noise-ratio (SQNR)
is increased by 10/g(OSR) in decibels.

More aggressive SQNR improvement can be achieved by using a delta-sigma
modulator as the quantization noise shaper, which ideally squeezes the noise power
into the high-frequency range of the spectrum without affecting the low-frequency
input signal. The recent trend of designing high-performance oversampling data
converters emphasizes the methodology of trading sophisticated delta-sigma modula-
tor design (e.g., cascaded modulators equipped with multibit quantization and digital
error calibration/correction) for a low OSR (e.g., 16, 12, 8, or even 4), and a high
resolution ranging from 14 to 16 bits [4][5][6][7]. It is predicted that the design
results will be particularly suitable for video processing and wireless communications
applications.

This chapter deals with the fundamental properties and design principles of
CMOS A/D and D/A converters and presents a variety of data converter architec-
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tures and circuit implementations. The chapter also emphasizes applications of
switched-capacitor (SC) techniques to the design of integrated CMOS data
converters.

Chapter Outline

Section 5.2 presents a number of important performance parameters useful for
specifying an integrated ADC or DAC. Section 5.3 presents an overview of Nyquist-
rate DAC architectures and circuits. The effects of capacitor mismatch on SC data
converters are evaluated. An introduction to mismatch error cancellation techniques
is provided as well. Section 5.4 details the architectures and the circuit implementa-
tions of Nyquist-rate ADCs. Various ADCs, including flash, two-step, pipelined,
cyclic, and successive-approximation ADCs, are investigated. The critical design
issues such as the capacitor mismatch, input offset, and finite op-amp gain are
discussed. Finally, Section 5.5 includes the principles of oversampling data convert-
ers, with emphasis on the discussion of SC delta-sigma modulators.

5.2 Performance Parameters of Data Converters

DAC Specifications

The fundamental function of a D/A converter (DAC) is to transform a digital word
M, into an analog (or continuous) output signal N,,, (strictly speaking, the output is
not truely continuous but has a finite number of distinct values), and the input-output
relationship is given by

M, (5.1

N t:Kref' 2M

ou
K, 1s an analog reference whose dimension may be electric voltage, current, or
charge. The digital input M;, may be represented by either a binary (also called
binary-weighted) code or a thermometer code, depending on the application’s
requirements; however, note that these two coding formats are interchangeable. The
magnitude of M;, can be expressed as

oM _q

M, = f“ A2V =2". Y B, (5.2)
i=1 j=1

Here, A;’s are the binary-code bits while B;’s are the thermometer-code bits. In
general, to represent 2" different digital input values, a binary code only needs M
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Table 5.1 Comparison chart: 3-bit binary versus 7-bit thermometer.

Binary Code Thermometer Code
A A A B B B B B B B

4 a4 aa000O0
4200~~~ 0O0O
4~ 00—~ 0=2O0O
“~o0o0ooocooo
4~ 2000 O0OOO
42200000
4 a4 aa000O0
4 a4 aaa000
4 a4 aaaa00
I

bits, whereby a thermometer code needs up to (2 — 1) bits. Table 5.1 compares a 3-
bit binary code and the equivalent 7-bit thermometer code.

Among the binary bits shown in the table, A, is the most significant bit (MSB),
and Aj; is the least significant bit (LSB). Among the thermometer bits, B, and B, are
the MSB and LSB, respectively. The LSB is defined to be the bit in M,, that controls
the smallest possible change in the value of N,,,, while the MSB controls the largest
possible change.

Note that in the binary-weighted setting, the transition from (A; A, A3) = 011 to
100 may cause the output N, to temporarily fall to zero (if A, and A3 go to 0
slightly before A, goes to 1) or jump to its maximum value (if A, and A; go to 0
slightly after A, goes to 1), thereby breaking the converter’s monotonicity (i.e., the
characteristic of the output always increasing with the input), and introducing nonlin-
earity errors. This phenomenon is called the switching glitch or the major-carry
effect. In contrast, the switching glitch issue does not concern the thermometer-coded
setting, in which only one bit is changed at a time. Thus, the thermometer-coded
converter is guaranteed to be monotonic and the nonlinearity is minimized (assum-
ing components such as capacitors match perfectly).

If the dimension of K, is electric voltage (i.e., K,.,;= V.., then N,,, has the same
dimension as that of K., (i.e., N,,, = V,,,) since the digital word M, in Equation (5.1)
is dimensionless. From Equations (5.1) and (5.2) we can write the following:

M;, Vref N —i Vref v
Vout:‘/ref'zM :2_M. lAi2 :2—M- j
i= Jj=1

(5.3)
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As a convention, the ideal minimum change in V,,, (i.e., the corresponding change in
V,.. when one LSB changes in M,,/2") is defined as

Viss =V, /2" (5.4)

Also, if it is assumed that the digital word is binary coded, the maximum value of
V..» which is also referred to as the full-scale output voltage (V;) and obtained when
A;=1,i=1,2,..., M, can then be expressed as

M
Vi= ‘/refzz_i: ‘/ref(l_z_M): Vg = Viss (5.5)

i=1
The term resolution is often used to specify the number of digital input bits (in the
case of a DAC) or output bits (in the case of an ADC). For instance, the resolution of
the DAC discussed earlier is M bits. The term accuracy is used to specify the preci-
sion of the actual transfer curve (i.e., the curve that connects each of the output
values) in comparison with the ideal one. From Equation (5.4), we see that the
resolution of a DAC can be determined once the ratio (V,./V,ss) is known. However,
the proper representation of the accuracy is a little more involved because one has to
take offset errors, gain errors, and nonlinearity errors into account [8][9][10][11]. In
practice, a circuit’s accuracy is usually presented in effective number of bits (ENOB).

The term offset error is defined to be the nonzero output voltage when the digital
input equals O . . . 0—that is, the deviation of the output voltage (when M;, =0...0)
from its ideal value (zero). It can be expressed in units of LSBs as

VOMI

offset =
VLSB

E

lo..0 (5.6)

The term gain error is defined as the difference between the slopes of the actual and
the ideal transfer curves in units of LSBs, which is given by

\% \%
i (Lmh...] - |0...0) - (2M - 1) (5.7)
VISB VISB ideal slope

actual slope

Note that ideally when M;,=1...1, V,,, = V. Hence, the ideal slope of the DAC
transfer curve is given by dividing (V;/V,,) by 2%, and the result is equal to (2" — 1)
based on Equation (5.5).

The term nonlinearity error refers to the deviation from the ideal transfer curve
after both the offset and gain errors have been removed. The nonlinearities of a data
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converter are usually expressed as a combination of two items: integral nonlinearity
error (INL) and differential nonlinearity error (DNL).

INL is often defined as the maximum deviation of the DAC transfer curve from a
straight line connecting its end points [8][9]. However, in the literature, an alterna-
tive measurement called the best-fit test is widely used. In such a test, the difference
between a certain output and its best-fit value (a point on the best-fit straight line) is
recorded as the INL error at that point in units of LSBs [11]; as a result, an illustra-
tive INL curve can be plotted based on these recorded errors. The latter way of
defining INL is employed in this book.

DNL is normally defined, also in units of LSBs, as the deviation of the vertical
step between two adjacent outputs from its ideal value (i.e., 1 LSB). In a manner
similar to that presented earlier, a DNL curve is often used to illustrate the linearity
performance of the converter. In addition, it is of practical interest to note that the
DNL error between levels N and (N + 1) can be found by simply subtracting the INL
error of level N from that of level (N + 1).

EXAMPLE 5.1

For a 3-bit unipolar (i.e., single-sign) DAC with V,,,= 4V, what is the maximum
value of the output voltage (V) in an ideal situation? If the following measured
output voltages (in volts) are recorded: {—0.005, 0.497, 0.999, 1.498, 2.004, 2.503,
3.002, 3.504}, find the offset error, gain error, maximum INL error, and maximum
DNL error (all in units of LSBs). Lastly, calculate the ENOB of the DAC.

Solution: Based on Equations (5.4) and (5.5), we can immediately obtain the
following:

Vi=V,—V=4—(4/8)=35V (5.8)
Utilizing Equation (5.6), we can obtain the offset error:
E it = ~0:005 =-0.01 LSB (5.9)
Viss
Utilizing Equation (5.7), we can obtain the gain error:
504 +0.
_3SMR0005 (e rep 510
VISB

To determine the maximum INL and DNL errors, we need to derive all the INL
and DNL errors first. The offset and gain errors must be removed from the measured
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output values before we start calculating the INL or DNL errors. Assuming the ith
item in the measured output sequence is V,,, ;, we can write its scaled value (free of
offset and gain errors; in units of LSBs) as follows [9][11]:

— Voutii l - 1
Vnout_i - V - gﬂﬁ{?el - ﬁ : ggain (5.11)

LSB

After some calculations, we obtain all the eight scaled output values (in units of
LSBs):

{0.000, 1.001, 2.003, 2.998, 4.008, 5.003, 5.999, 7.000}

Next, the INL errors can be obtained by calculating the difference between the ideal
values: {0, 1, 2, ..., 7} and the preceding. The results are as follows:

{0, +0.001, +0.003, —0.002, +0.008, +0.003, —0.001, 0}

Thus, the maximum INL error is equal to 0.008 LSB (<0.5LSB). The DNL errors
can be found by calculating the difference between adjacent INL errors and the
results are

{+0.001, +0.002, —0.005, +0.010, —0.005, —0.004, +0.001}
So the maximum DNL error is equal to 0.01 LSB (<0.5LSB).

The ENOB of the DAC can be obtained by comparing the largest deviation of
the measured voltages from the ideal values (in this case, 0.005 V) with the full-scale
output voltage V. In other words, the ENOB is specified in such a way that the
largest deviation is less than the full-scale value divided by 25¥°%. As the result, the
ENOB is given by

14 .
ENOB = logZ( i ) =log, (ij ~9.45 bits (5.12)

0.005

Interestingly, the ENOB is larger than the specified resolution of the DAC (i.e., 3
bits). This implies the circuit is so well designed that its precision is comparable to
that of a DAC built to a much higher resolution (i.e., about 9.45 bits).

max

The foregoing specification of the DAC’s ENOB is also referred to as the abso-
lute accuracy since it has taken all errors (offset, gain, and nonlinearity) into
account. In comparison, the relative accuracy accounts for the nonlinearity errors
only (i.e., free of offset and gain errors), and it can be found by substituting &,,, (i.e.,
0.005V) in the foregoing equation with the magnitude of the maximum INL error
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(i.e., 0.008 x 0.5 = 0.004 V). Consequently, the relative accuracy reads a larger
ENOB than the absolute accuracy does.

Note that in the foregoing example, &,,,. happens to have the same magnitude as
that of the offset error, which is the smallest possible output signal. Thus, Equation
(5.12) in a sense interprets the definition of dynamic range (DR), which is the ratio
of the largest possible to the smallest possible input/output signal values (here, it is
the ratio with respect to the output signal). Often, DR is expressed in decibels:

st
DR =201g v dB (5.13)
where V,,;, stands for the smallest possible output signal. So the DAC in Example 5.1
has a dynamic range of 56.9dB. It is also of interest to derive the following:
DR . .

—5@26.02 dB/bit (5.14)

ENOB 9.45
As seen earlier, a thermometer-coded DAC is guaranteed to be monotonic. This is
because its maximum DNL error rarely exceeds 1 LSB. Monotonicity is often
regarded as a qualitative feature rather than a quantitative parameter; hence the
detailed quantitative analysis of monotonicity is waived here for brevity.

There are many other important performance parameters useful for specifying a
DAC. For instance, the term signal-to-noise-ratio (SNR) stands for the ratio of the
largest possible signal power to the noise power (both expressed in RMS values). For
a DAC, SNR and dynamic range (DR) are usually interchangeable. Additionally, data
converters suffer from the sampling time uncertainty or aperture jitter, in a way
similar to that we saw in relation to testing sample-and-hold (S&H) circuits in
Chapter 3. We will discuss both SNR and aperture jitter in more detail when we
study ADC specifications shortly.

ADC Specifications

With a fundamental function complementary to that of a DAC, an M-bit A/D con-
verter (ADC) is used to transform an analog input C;, (e.g., a sinusoidal waveform)
into an M-bit digital output words D, (strictly speaking, the output has a staircase
waveform rather than a sequence of digital bits). The input-output relationship of an
ideal M-bit ADC is given by

D

our _ 4 _&< <&
oM in ™€ M+l _8‘1_2M+1 (5.15)

K
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Here, K,.;1s an analog reference whose dimension may be electric voltage, current, or
charge. The digital output D,,, may be represented by either a binary code or a
thermometer code. Yet the most important item in the foregoing equation is &,
known as the guantization noise; it is defined as the difference between the actual
analog input C;, and the value of the staircase output (K- D,,./2"). Assuming both
C,, and K, are electric voltages (i.e., V;, and V,.) and rearranging Equation (5.15),
we can obtain the following:

:2M-£+E (5.16)

out q
ref
This indicates that theoretically the quantization noise £, (in units of LSBs) can be
modeled as an additive noise source to the ADC. Ideally, the magnitude of E, shall
be limited to within —0.5LSB, and +0.5 LSB, otherwise a code transition point may
be missing (i.e., a missing code).

D

Figure 5.1 illustrates a circuit using a pair of complementary A/D and D/A
converters, which are specified to the same resolution and using the same reference
voltage V,,. From Equation (5.16), it can be found that this pair of ADC and DAC is
used to extract the quantization noise V.

Additionally, note that the errors induced by the quantization noise normally
concern ADCs only as the quantization noise in essence originates from the ambigu-

Vq
M-bit
Vin e— ADC Dout
TN M-bit
E DAC (FEEDBACK) K |
+

Vq

Figure 5.1 Extracting quantization noise through a pair of complementary A/D
and D/A.

145



Demystifying Switched-Capacitor Circuits

ity that multiple analog input levels are converted into the same digital code [9][11].
This makes physical sense since for an ADC, the analog input signal comes with an
infinite number of levels while the output signal has only a few discrete values; in
comparison, for a DAC, both input and output have a finite number of levels, which
are corresponded in a “one-to-one” fashion. For example, if the DAC’s input has 2
discrete values, then 2" discrete output values will be produced correspondingly.
That is, ideally the DAC output is well defined by the input, and as a result, no signal
ambiguity will occur.

The term resolution defines the number of digital output bits of an ADC. The
accuracy of an ADC may also be expressed as the effective number of bits (ENOB),
and is closely related to the specification of dynamic range.

Most ADC parameters can be related to the corresponding DAC parameters in a
complementary manner. The offset error of an ADC is defined as the deviation of
the first digital code transition point (i.e., when D, jumps from 0...0to 0... 1)
from its ideal position (0.5 LSB). It is given by (in units of LSBs)

V. 1
Exier = 01" (5.17)
Viss 2
Similarly, the term gain error of an ADC is given by (in units of LSBs)
‘/in ‘/in
ggain: (_|11__|01j_(2M_2) (518)
Vis Viss R e

ideal slope
actual slope
The integral nonlinearity error (INL) of an ADC may be defined as the maximum
deviation of the code transition points on the ADC transfer curve from a straight
line, which connects the origin and the final transition point (when D,,, becomes
1...1), after both offset and gain errors are removed [8][9]. Alternatively, the
difference between each actual code transition point and its best-fit position is
recorded in units of LSBs and used for plotting an INL curve [11].

The differential nonlinearity error (DNL) of an ADC is defined, also in units of
LSBs, as the deviation of the horizontal step (or code width) between two adjacent
code transition points from its ideal value (i.e., 1 LSB). Similarly, a DNL curve is
often used to illustrate the linearity performance of the converter. Also, the DNL
error between code transition points N and (N + 1) can be found by simply subtract-
ing the INL error of point N from that of point (N + 1).
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The complement to the DAC’s monotonicity in the ADC case is called missing
code. Similar to the DAC, an ADC is guaranteed not to miss any digital codes if the
maximum DNL error is less than 1 LSB. However, if the magnitude of the quantiza-
tion noise (E,) exceeds the range of —0.5LSB to +0.5LSB, a missing code will
happen.

One of the most important ADC parameters is the signal-to-noise ratio (SNR).
Note that when the input signal is a sinusoid, harmonic distortions may occur in the
ADC’s output signal. The parameter that takes both noise and harmonic distortion
into account is called the signal-to-noise-plus-distortion ratio (SNDR). For an ADC,
SNR is normally greater than SNDR. For the maximum sinusoidal input with a
peak-to-peak value equal to V,,, the expression of SNR is given by (in decibels)

SNR =20 1g(vf"—ﬂ) (5.19)
1%

n

Here, Vi, max 1S the RMS value of the maximum input signal, which is usually equal
to that of V,,;, and V, is the RMS value of the noise power. If it is assumed that the
input signal frequency is high, then the quantization noise power can be approxi-
mated to be uniformly distributed between —0.5V; sz and +0.5 V5. After some
mathematical manipulations, we can then obtain the following:

M-ty N2
V.o V12
The preceding equation specifies the SNR limit for an M-bit ADC (without the helps

from oversampling or noise shaping). However, SNR usually decreases with the
magnitude of the input signal, and the degradation in SNR is given by

SNR =20 1g(M) =20 lg[ j =6.02M +1.76dB  (5.20)
Vn

ASNR:ZOlg( Vin ) (5.21)
1%

in_max

For instance, if it is assumed that an ADC has a reference voltage V. of 4V, and
that the peak-to-peak value of V,, is equal to 80 mV, then SNR will be reduced from
its largest possible value by about 34 dB! Furthermore, if the peak-to-peak value of
V.. 1s reduced to 1 V;p, then the degradation in SNR will be as much as 6.02MdB,
and the resultant SNR is only 1.76 dB.

In practice, the resolution of a Nyquist-rate ADC (without oversampling or noise
shaping) is usually specified to equal or approximate the ENOB. This is different
from the DAC case. For instance, recall that in Example 5.1 the DAC is specified to
a 3-bit resolution, but its ENOB indeed reaches 9.45 bits.
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To get a feel for the aforementioned difference, consider the fact that the defini-
tion of SNR (or ENOB) for an ADC must deal with the quantization noise, which is
dictated by how many actual bits of resolution can be physically built to, whereas in
the scenario of a DAC, the quantization noise is not a major concern, and the specifi-
cation of its SNR (or ENOB) emphasizes other circuit imperfections such as gain and
nonlinearity errors, which rely on component matching accuracy rather than on the
number of input digits.

The last noteworthy source of error is called the sampling-time uncertainty or
aperture jitter. Both DAC and ADC are subject to this type of error. But it raises a
more serious concern in the design of ADCs than of DACs, especially when it comes
to high-speed (on the order of 50 MHz) and medium-to-high-resolution (8-14 bits)
ADCs.

Furthermore, note that the essential characteristic of an ADC is sampling
continuous-time signals, which is the same as that of an S&H. As a result, Equation
(3.68) can be used to quantify the error due to aperture jitter in an ADC setting.
Assuming that the input V;, applied to an M-bit ADC is a sinusoid with a peak-to-
peak voltage of V,,, and that the input signal frequency is f, we can write the
following for the ADC based on Equation (3.68):
av, ()| Vv,

t

(r)=a-‘;’l—=§f-2n-f-a-|cos(2n-f-t)| (5.22)

aperture _ jitter

where o stands for the aperture jitter at time 7. As explained in Chapter 3, the
maximum error voltage occurs at the zero crossing (¢ = 0), which is given by

=V, f-0=2"Vy-n-f-0 (5.23)

aperture __jitter _max
In practice, it is desirable that this maximum error voltage be kept less than 0.5 Vi g3;
otherwise the ADC’s accuracy will be corrupted. Rearranging (5.23), we obtain the
following:

(5.24)

EXAMPLE 5.2

Consider a 9-bit Nyquist-rate ADC that is used to convert a 250-MHz sinusoidal
input signal with a peak-to-peak voltage value of V,,. What is the maximum
allowable value of the sampling-time uncertainty according to Equation (5.24)? What
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is the maximum allowable value of the sampling-time uncertainty if the output needs
to maintain a 9-bit ENOB?

Solution: Based on Equation (5.24), we can obtain the following:
o = : =1.

@m0 250 x10°

From Equation (5.20) we obtain the equivalent SNR for a 9-bit ENOB:

24 ps (5.25)

SNR=6.02x9+1.76=55.94 dB (5.26)
Utilizing Equation (3.69), we write the theoretical SNR limit due to aperture jitter:
o o
SNR,=-201 (272:- -—’):—201 (272:-25()><106 -—’)ZSNR 5.27
1 g f NG g NG (5.27)
Hence,
0,<1.44 ps (5.28)

The foregoing development indicates that Equation (5.24) provides a tight sufficient
condition for maintaining a 9-bit accuracy (ENOB) when aperture jitter is the
dominant source of error in the ADC. However, in practice many other errors such
as the quantization noise or component mismatch must be taken into account.

INL, DNL, and Quantization Noise

It is of practical interest to clarify the relationships among INL, DNL, and quantiza-
tion noise. First, note that a data converter (either a DAC or an ADC) with an M-bit
resolution must keep the maximum absolute values of INL and DNL less than (or
equal to) 1/2 LSB; otherwise the true resolution (i.e., accuracy) that it can provide
will be less than M bits. For example, a 3-bit DAC with an absolute INL or DNL
that is greater than 1/2 LSB but smaller than 1LSB actually has an ENOB equiva-
lent to that of a perfectly accurate 2-bit DAC. If the absolute INL or DNL exceeds

1 LSB, then the resultant ENOB will be equal to only 1 bit, and also, the converter
may become nonmonotonic!

This problem may be better understood through the following example. If we
assume that the INL errors (starting from the LSB and in units of LSBs) of the 3-bit
DAC are given by {0, 0.5, —0.5, 0.5, —0.5, 0.5, 0.5, 0}, then the output level that
corresponds to the input binary code 001 will be indistinguishable from that corre-
sponding to 010, and it can be found that similar signal ambiguities will also occur
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between 011 and 100 as well as between 101 and 110. Thus, although the DAC is
physically built to a 3-bit resolution, it fails to resolve eight discrete levels; instead it

can only resolve five levels. In other words, the converter is equivalent to an ideal 2-
bit DAC (rounded from 2.324-bit).

Second, after the offset and gain errors of a data converter are removed, which
nonlinearity error shall be considered the limiting factor in determining the ENOB
of a data converter, INL or DNL? In other words, whose maximum absolute value
shall be set to 1/2 LSB in the worst-case analysis?

The answer greatly depends on the type of codes that the data converter employs.
Although there are many other digital coding schemes such as Gray coding, in this
book we only discuss the two most commonly seen coding schemes in data conver-
sion applications: binary and thermometer. A general rule of thumb is noted as
follows: If the data converter is built to facilitate a binary-weighted digital signal
(i.e., a binary-weighted converter), then the DNL requirement is more stringent than
the INL requirement, meaning DNL should be the limiting factor. In contrast, for a
thermometer-coded converter, the INL requirement is more difficult to meet, thus
INL should be the limiting factor.

Third, note that the quantization noise exists even in an ideal ADC, whereas the
gain error, DNL, or INL occurs only when there are nonidealities in the circuit. As
mentioned earlier, the inevitable existence of the quantization noise in an ADC
makes physical sense since the analog input signal has an infinite number of levels,
while the output signal is a discrete-time signal with a finite number of levels. In an
ideal ADC, the quantization noise error does exist but is no greater than 1/2 LSB (an
absolute value), and it manifests itself as a saw-tooth waveform in the time-domain,
which is symmetrically alternating between —1/2 and +1/2 LSB. In a real ADC with
circuit imperfections, the resulting DNL and INL errors distort the saw-tooth wave-
form from its ideal geometrical shape, and as the result, it becomes asymmetric.

A few other performance parameters, such as glitch impulse area and settling
time for DACs and bit-error-rate (BER) and conversion time for ADCs, can be seen
in the literature. Their detailed descriptions are waived here for brevity. As a final
note, the two most noteworthy industry standards dealing with the performance
measurements of data converters are IEEE Standard 764-1984 [12] and IEEE
Standard 1241-2000 [13].

In summary, this section presented the key performance parameters of A/D and
D/A data converters. The mathematical formulae useful for quantifying these para-
meters were provided.
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5.3 Nyquist-Rate DACs

Integrated Nyquist-Rate DACs

Recall that for a DAC, the digital input word M,, in Equation (5.1) is dimensionless,
and the analog output signal N,,, has the same dimension as that of K,.y.

When the dimension of K, is electric voltage, the converter is called the voltage-
mode (or ladder) DAC. A voltage-mode DAC is essentially a voltage meter (that is,
potentiometer), and it is often realized based on the resistor-string approach [14][15].

A 2-bit thermometer-coded resistor-string DAC is shown in Figure 5.2(a). As the
schematic shows, the on/off operations of the switches, which are built of MOS
transistors, are controlled by the read-out bits of the digital binary-to-thermometer
decoder. Note that a 4-bit instead of a 3-bit thermometer code is applied such that
the maximum value of V,,, is limited to V,,;— Vg, or, equivalently, 0.75 V,.

Generally speaking, to realize an M-bit thermometer-coded resistor-string DAC,
2M resistors (all equal sizes) are needed. Thus, the number of resistors, the amount of
power dissipation/silicon area, and the RC time constant increase exponentially with
M, making this configuration unsuitable for low-power, high-speed, or small form-
factor applications.

An improved resistor-string DAC that requires only 2**" resistors for an M-bit
resolution is reported by Holloway [14]. The reduction in the number of resistors is
achieved by using two resistor strings, each of which contains 2™ equal resistors.
In the meanwhile, the M-bit accuracy is maintained by using the second string to
interpolate between two adjacent nodal voltages on the first string, which is equiva-
lent to substituting each resistor in the first string with a string of 2 resistors.
Therefore, the effective number of resistors is given by 2™2.2M2 = 2M 3]though
only 2™2*) resistors are actually used. To quantify, consider an 8-bit resistor-string
DAC; the double-string configuration saves up to 224 resistors as compared to the
single-string configuration.

Nevertheless, the large time constant due to the switched-RC (C represents a
combination of the MOS transistors’ gate-to-source and gate-to-substrate capaci-
tances as well as the parasitic capacitances) network still restricts the achievable
speed of a resistor-string DAC.

When the dimension of K,,;in Equation (5.1) is electric current, the converter is
called the current-mode (or current-steering) DAC, in which multiple current sources
are used to distinguish between different digital inputs [16][17].
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A 2-bit thermometer-coded current-steering DAC is shown in Figure 5.2(b). In
general, this type of DAC architecture employs 2" equal current sources for trans-
forming an M-bit binary input to avoid overloading. As shown, a 2-bit input binary
code is decoded into the equivalent 4-bit thermometer code, with each bit directing
the output of a current source, either to the op-amp or to ground. And the currents
sent to the inverting terminal of the op-amp are superposed and converted into an
analog voltage by the feedback resistor R,.

In general, the conversion accuracy of a current-steering DAC greatly depends
on the matching accuracy of the current sources as they are not exactly the same in
reality. To resolve the nonlinearity problems due to mismatch errors between current
sources, Schouwenaars et al. [17] reported a dynamic current matching technique,
and a detailed description of the technique can be found in [18]. The basic idea of
this technique is to make each current source copy the output of a single reference
current source I, in a periodic manner. In effect, the mismatch errors between
current sources are minimized for they are calibrated by the same current reference.

The current-copying operation (or calibration) of each current source may be
initiated when the corresponding thermometer bit goes to either zero or one, and it
usually takes less than one-tenth of a conversion period (i.e., the output settling time).

In most cases, it is desired that the calibration be made transparent to the user
(i.e., a background calibration), so an additional current source is needed to substi-
tute for the one that is undergoing calibration—the previously unused 2”th current
source is now up to the job. Examination of the literature will show that there are
various background calibration techniques for current-mode Nyquist-rate DACs.
Besides [18], the noteworthy references include [19][20][21].

Finally, the number of current sources and the amount of power dissipation in the
thermometer-code configuration increases exponentially with M. As a result, when M
> 6, segmented current-steering DACs that contain thermometer-coded MSBs and
binary-weighted LSBs are normally used in practice. The interested reader is referred
to the literature for examples.

Nyquist-Rate SC DACs

When the dimension of K,,,in Equation (5.1) is electric charge, the converter is
called the switched-capacitor (SC) (or charge-mode) DAC as it is often constructed
based on SC techniques. A 2-bit thermometer-coded SC DAC is shown in Figure
5.3(a). This type of SC DAC is often referred to as the parallel SC DAC because the
input digital bits are read in a parallel fashion.
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The circuit operates as follows. The input digital word is a thermometer code
with bits B;, B,, and B;. When @, = 1, the DAC is being reset, the feedback capacitor
C; (Cyis equal to 4C in this case) is discharged, and the three input capacitors (all
equal sizes, C) are charged by the reference voltage V,... Next, when @, = 1, the DAC
is in the conversion mode, and the charges on the first k activated (k < 3) input
capacitors are coupled onto C,, generating an output voltage V,,, = (k/4) V.

Apparently, this SC DAC is sensitive to parasitic capacitances, which normally
contribute to a gain error. And when the input ®, switch is turned off, a charge
dependent on V,,,is injected onto each input capacitor, which is then sent to the
output and causes harmonic distortions. The DAC also suffers from some other
circuit imperfections such as input offset error, finite op-amp gain, and finite op-amp
bandwidth (see Chapter 7). Moreover, the op-amp output must slew between (k/4)
V,.r and an input offset voltage, which is very close to 0V, every time the DAC’s
operation mode changes (i.e., from the reset mode to the conversion mode or vice
versa).

To alleviate these problems, an improved SC DAC shown in Figure 5.3(b) can
be used. This SC DAC is constructed from the SC amplifier reported by Martin et al.
[22].

In accounting for the many useful features that this ingenious design is able to
offer, we can immediately find that the arrangement of input switches not only
guarantees the circuit to be parasitic insensitive, but also makes it possible to change
the sign of the DAC output. Also, the charge injection error can be canceled by
simply adopting a fully differential configuration.

Here, the errors due to the input offset voltage V,; (and the flicker noise) of the
op-amp are also removed by charging the activated input capacitors and the feedback
capacitor C; to the input offset voltage during ®, = 1, and canceling them out during
the following @, = 1 [22]. In such an arrangement, the finite op-amp gain effect is
alleviated as well.

Furthermore, the slew rate requirement for the op-amp is greatly relaxed through
the use of a reset capacitor C,. The basic idea here is that instead of abruptly shorting
the input and output terminals of the op-amp and making the output voltage drop near
0V once @, = 1, we use the capacitor C,, which has memorized the output voltage at
the end of the previous conversion mode (®, = 1), to insert a voltage step between the
input and output terminals as @, jumps to 1. In effect, between modes, the op-amp’s
output voltage needs to alternate between V,,, and (V,,, — V,), thereby reducing the
slew magnitude to only V,;. Although theoretically the capacitance of C, would not
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affect the transfer function of the SC DAC [22], it needs to be assigned properly such
that the tradeoff between capacitance spread and silicon area is balanced.

Interestingly, an additional feedback capacitor C, is connected around the
op-amp. It is an optional deglitching capacitor according to Matsumoto and
Watanabe [23], that forms a feedback loop in case all the switches around the
op-amp are open. The capacitance of C, is normally quite small to avoid a high-
frequency charge leakage, which could become a more pronounced problem when
the input digital codes are changing fast.

Another important type of charge-mode DAC is called the serial or cyclic (also
referred to as the algorithmic) DAC, which uses only a small number of components
such as capacitor and voltage buffer to perform the D/A conversion. The term serial
suggests that the digital input must be read in a serial or one-by-one manner, while the
other term cyclic indicates that the same circuit is used for transforming all the digital
bits in a recycling manner. A simple M-bit cyclic SC DAC is shown in Figure 5.4.

The circuit operates as follows. Prior to the conversion, the two equal-valued
capacitors (C; and C,) are discharged to ground via the reset switches, which are
controlled by the clock pulse ®,; they are then turned off and will not be on until all
the digital bits are converted. The input digital word is converted from the parallel
into the serial format, and it is assumed that the least significant bit (LSB) By, is the
first bit to be converted. When @, = 1, C, is either charged to the reference voltage
V. or discharged to ground, depending on the value of By, (1 or 0). Next, when @, =
1, C, and C, are connected in parallel and the charge on C, acquired during the
previous “@; = 1” phase is thus shared equally between C; and C,, resulting in an
output voltage at the end of the first bit-conversion cycle, which is given by

V., 1 62 ¢ y
ret * * * * * ® Vout
u-bo-'k C1l kq» Czl kq»
N |
Parallel-to- Jf
serial-
converter

[]]+-1]

BiB2Bsz By_1Bum

Figure 5.4 Cyclic SC DAC.
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V
Vo (D)= BM( > j (5.29)
We realize from the preceding that the SC configuration around C; and C, is equiva-
lent to a sample-and-hold (S&H) with a one-half voltage gain.

After @, is turned off, the next least significant bit B),; enters. Applying the
principle of charge conservation to the system, we can find the output voltage at the
end of the second bit-conversion cycle, which is given by

B V.C+B,V,Cl2+B,V, C,/2 B, \(V,
v, (2) = Ll Ot Bl G4 B )=(BM_1+ M)(—fj (530)
(Gi+C,)
This process continues till the end of the Mth bit-conversion cycle, and it can be
found that the desired analog output voltage corresponding to the complete input
word is given by

2

V. (N)= (2 2—;)v,ef (531)
i=1

Thus, if the system clock cycle is equal to 7, then it will take a cyclic DAC MT to

convert an M-bit digital word. As a result, cyclic DACs are normally used for slow

and medium-speed D/A conversions in practice.

A well-known derivative of cyclic DAC is called the pipelined DAC, which trades
multiple conversion stages (normally M stages for an M-bit conversion) for a readout
rate M-time faster than that of the cyclic configuration. In other words, the analog
voltage given by Equation (5.31) will show up at the DAC output every clock cycle T
(after the first MT for warming up; see Section 5.4). The pipelined methodology is
also widely adopted in the design of ADCs; hence, we will explore its key merits in
Section 5.4.

Lastly, cyclic DACs with more sophisticated structures have been developed to
resolve circuit imperfections such as parasitic capacitances or clock feedthrough
errors—for example, the DAC introduced by Matsumoto and Watanabe [24]. The
interested reader is referred to the literature for more details.

Matching Accuracy of Data Converters

As discussed earlier, for the thermometer-coded current-mode DAC, the mismatches
betweens its current sources will introduce errors to the output; thus, calibration will
be needed to correct these errors. Consider an M-bit thermometer-coded current-
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mode DAC; if we assume that each current source has an equal absolute mismatch
error |Al| and the sum of all the mismatch errors are equal to zero [18], then it can
be shown that the worst-case absolute INL (in units of LSBs) is given by

M-1
IINL| = %Wl (5.32)

max
where [ is the ideal current, and it represents 1 LSB in a thermometer-coded situation
(I > 0). As shown in Section 5.2, the worst-case INL presented earlier must be less
than 1/2 LSB to prevent the DAC’s accuracy from being corrupted. Thus, the
maximum allowable current source mismatch is given by

1

max - 2M

IAI

(5.33)

To quantify, if it is assumed that [ is set to 4 A, and that M is set to 10 bits, then the
maximum allowable mismatch error will be as small as 3.9nA!

As mentioned in Section 5.2, DNL is a less critical limiting factor compared to
INL in a generic thermometer-coded configuration. Here, we can find that the worst-
case absolute DNL (in units of LSBs) is given by

_Al+T AT (5.34)

|DNL|
max I

Equating the preceding to 1/2 LSB, we realize that maximum allowable current
source mismatch is as large as 0.5/. Again, this shows that the DNL requirement is
much easier to fulfill than the INL requirement in the thermometer-coded DAC.

In a manner similar to that of the current-mode DAC, we can obtain the
maximum allowable resistor mismatch for an M-bit thermometer-coded resistor-string
DAC. For the sake of brevity, only the result is provided as follows:

R

max - 2M

|AR

(5.35)

As for an SC data converter, the achievable accuracy (ENOB) of the converter is
normally dictated by errors due to mismatches between capacitors. The best capaci-
tor matching accuracy (i.e., AC/C) of existing CMOS technologies is about 0.02%.
Theoretically speaking, the maximum ENOB of a Nyquist-rate thermometer-coded
SC CMOS data converter is about 12-bit, if no error cancellation is applied [9]. In
fact, when other noise sources are taken into account, it is hard to obtain an ENOB
larger than 9 bits (i.e., AC/C = 0.2%).
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EXAMPLE 5.3

The circuit shown in Figure 5.5 can be used to measure the mismatch error between
two nominally equal valued capacitors used in SC DACs or ADCs. As the schematic
shows, the switches are controlled by two nonoverlapping clock phases, @, and ®,.
Describe the operation of the circuit, and examine the relationship between the
voltage at node A (i.e., V,) and the reference voltage V,.; (assume V,,,= 1V). If the
measured V, is a square wave whose magnitude is toggling between 0V (when @, =
1) and 1 mV (when @, = 1), and it is assumed that capacitor mismatch is the
dominant source of error in the SC converter, estimate ENOB of the converter.
(Consider both thermometer-coded and binary-weighted coding schemes).

Solution: The circuit operates as follows. When @, = 1, the voltage across C; is
charged to V,,, while C; is discharged to ground. Next when ®, = 1, node A is
floating, and C; and C, are in series. Applying the principle of charge conservation,
we can find that when @, jumps to 1, the charge flows to the left side of node A
should cancel the charge flows to the right—that is

Cz(va_vref)"'c1(va+vref):0 (5.36)
Thus, the relationship between V, and V,,,is given by

- 1%
Va:(c2 Clj.vref:L.( ’efj (5.37)
C,+C, (C,+C))/2 \ 2

When @, =1, V, = 1.0mV > 0, hence C, > C,. From the foregoing equation, we
notice that (2V, / V,,,) determines the capacitor matching accuracy (AC/C), where C
is the nominal capacitance. Thus, if it is assumed that these capacitors are used in a
thermometer-coded SC data converter, and that the capacitor mismatch is the
dominant source of noise, then the resultant ENOB can be given by

ENOB,  =-log, (%) =-log, (%) =9 bits (5.38)
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Figure 5.5 Circuit used to measure the mismatch between C; and G,.
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If these capacitors are used in a binary-weighted SC data converter, then we need to
refresh the relationship between ENOB and (AC/C) first. As mentioned in Section
5.2, for a binary-weighted converter, DNL is the limiting factor of ENOB, thus, we
shall look into the expression of DNL in terms of (AC/C). It can be found that the
worst-case DNL of a binary-weighted converter tends to occur in the major-carry
area when the digital input changes from 011 ... 11 to 100 ... 00.

Consider an M-bit binary-weighted SC DAC. If we assume that the actual input
capacitors are {C — AC, 2C — 2AC, .. . 2M2C = 2M2AC, 2MVC + 2MDACY[8][9],
then the worst-case absolute DNL (in units of LSBs) is given by

1

3 M-1 o~ A
IDNL| = vek [2M H(C+AC)-Y 2" (C- |AC|)}— 1=(2% -1). % (5.39)
i=1
Keeping the maximum DNL less than 1/2 LSB, we get
1ac] < % (5.40)
¢ 27 -2

Thus, ENOB (assuming in this case it is equivalent to M) can be found,

ENOB,  =log, (% + 2) —1=8 bits (5.41)

In comparison with the thermometer-coded configuration, the preceding binary-
weighted configuration loses by 1 bit of ENOB. Interestingly, if the actual input
capacitors are precisely controlled so that their capacitances are expressed as: {C —
AC, 2C = 2AC, .. . 2MDC = 2MDAC, 2UDC + 2MDAC — AC}, then it can be shown
that the sum of the individual capacitor mismatch errors will be equal to zero; what’s
more, in both cases (i.e., thermometer-coded and binary-weighted), the resulting
ENOB will be equal to 9 bits. However, the last item in the preceding sequence of
capacitances (i.e., 2™V C + 2" PAC — AC) is difficult to implement in practice and
may require expensive post-fabrication calibrations such as laser trimming.

To alleviate the problems caused by mismatch errors between circuit components
(capacitors in particular), various mismatch error cancellation techniques have been
reported. Reference refreshing [25] and ratio-independent [26][27] techniques were
developed to make the circuit’s accuracy (e.g., gain and nonlinearity errors) indepen-
dent of capacitor mismatch. However, they usually require high-performance op-
amps with large gain-bandwidth products [27]. More recently, it was reported that
the ratio-independent technique can be used in combination with a gain- and offset-
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insensitive design [28] or a correlated double sampling scheme [29] to relax the
accuracy requirements for the op-amps.

In addition, the capacitor error averaging [30] approach can be used to cancel
the capacitor mismatch; however, it does so at the price of reducing the conversion
rate by one-third and doubling the power budget.

The capacitor trimming [31][32] technique can be used to tune a capacitor in an
SC circuit till it matches the other capacitor(s), by shunting the tuned capacitor with
a small trimming capacitor. However, in practice, this trimming capacitor is usually
realized by an array of capacitors controlled by digital logic, thereby increasing the
cost and area. Moreover, since the capacitor trimming cannot be done without inter-
rupting the normal A/D conversion (otherwise the output digital codes will be
corrupted), it is therefore a foreground calibration and not appropriate for high-speed
applications in general.

As an alternative to the previous discussion, the idea of calibrating mismatch
errors in the background (background calibration) has gained increasing popularity
because the background calibration can be performed without interrupting the con-
verter’s normal operation. As mentioned earlier, in current-mode data converters [18],
a background calibration technique is employed to correct matching errors between
current sources, whereas in SC data converters, a similar technique can be used to
correct capacitor mismatch errors.

The background calibration of an SC data converter can be done in either the
analog or the digital domain. As the name suggests, digital calibration utilizes digital
circuitry to remove errors due to component mismatching. Many state-of-the-art
digital calibration techniques utilize oversampled delta-sigma modulators to shape the
power density of mismatch errors into the higher frequency range, and then use low-
pass filters to filter them out, hence the name mismatch-shaping. But the speed limit
due to the oversampling is a major concern. We will explore a few digital mismatch-
shaping techniques in Section 5.5 when we study oversampling SC data converters.

As for the analog background calibration, the quantity of practical techniques is
relatively small, compared to what we can find in the literature today with respect to
its digital counterpart. This is partially due to the fact that analog calibration requires
extra analog circuitry such as calibration DACs and comparators, which apparently
must be more accurate or linear themselves than the components undergoing calibra-
tion. In addition, the relatively low fabrication cost and technology scalability/porta-
bility of digital circuitry has made the digital calibration a more attractive choice
than the analog calibration.
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An interesting analog calibration technique was reported by Moon et al. [33].
The technique uses a thermometer-coded SC DAC similar to that in Figure 5.3(a) as
the demonstration platform. The basic idea is to adaptively calibrate the charge
delivered via each input branch by using a variable reference voltage for each branch
(similar to the current copying and the reference refreshing techniques reported in
[18] and [25], respectively), until all branch charges accord with a single reference
charge value, which is rectified by an accurate capacitor (i.e., the nominal C). In
effect, the deviation of a branch charge from its ideal value due to capacitor mis-
match is corrected.

Further investigation will show that in the SC DAC described in [33], the refer-
ence voltage of each input branch is refreshed every 2" clock cycles (for an M-bit
thermometer-coded conversion). Also, 2" rather than (2" — 1) input branches are
required, with the extra input branch substituting for the one undergoing calibration,
which is similar to the substitution of the calibrated current source described in [18].

To conclude, this section presented the circuit implementations of non-SC and
SC-type integrated D/A converters. The discussion investigated the problematic
capacitor mismatch and quantified its impact on the data converter’s accuracy.
Finally, various mismatch error cancellation techniques were introduced.

5.4 Nyquist-Rate ADCs

Flash ADCs

The process of a standard analog-to-digital (A/D) conversion is normally classified
into two distinct operations: sampling and quantization. Either sampling (often
accompanied by holding) or quantization can be used to transform a signal with a
continuous amplitude into a set of discrete levels.

Sampling is a time-based operation that is typically controlled by a system clock,
and it emphasizes capturing the input data at certain discrete moments for the conve-
nience of subsequent operations (e.g., quantization), whereas quantization utilizes a
reference (voltage or current) to categorize the input data into discrete groups,
regardless of whether the data have been sampled. In other words, sampling
acquires and preconditions the input signal, while quantization generates an
expression of the input signal using a series of digital bits, based on the result of
comparing the input signal’s amplitude with the reference. Thus, sampling is often
realized by sample-and-hold (S&H) circuits, while quantization is normally done by
comparators.
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Nevertheless, in some A/D converter (ADC) architectures, the dividing line
between sampling and quantization fades out. As a result, sampling and quantization
can be done simultaneously and no dedicated S&H circuits would be required. A
well-known example is called the flash (or parallel) ADC architecture. As the name
suggests, these ADCs operate at a very high speed since they flash out the digital
bits in a parallel fashion.

Figures 5.6(a) to Figure 5.6(c) illustrate three different ways to implement a 2-bit
flash ADC. All three circuits operate in a similar manner as follows. In each circuit,
the positive input of a comparator is connected to a certain node on the resistor
string (V,;), while the negative input is connected to the input analog signal V,. If
V.. 1s larger than V,;, then the corresponding comparator sends a logic low (0) to the
following digital logic circuitry. Otherwise, a logic high (1) will be sent.

Vref Vref
\'{ln % Yin
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> R
Vor > Vor >
+ +
Aq Aq
R —— R —
_ Digital > Digital
encoder encoder
Vi + Vi +
R R
Vio . Vig +
A; A;
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Figure 5.6 Three different realizations of a 2-bit flash ADC.
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Figure 5.6 Continued
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After the comparison, a parallel 4-bit thermometer code is sent to the digital
logic circuitry, where the 4-bit input is transformed into a 3-bit true thermometer
word (with the overloading bit removed) by three two-input NAND gates. The result
is then passed through a 3-to-2 encoder, and the digital output is a 2-bit binary code
{A/A2}.

Note that if the difference between V;, and V,; is small, then the comparator
needs a sufficient voltage gain to amplify this difference so that its logic output is
guaranteed to be well defined. In practice, each comparator of a flash ADC is typi-
cally composed of an analog preamplifier and a latch, with the former tracking and
amplifying (V;, — V,,) during the first half clock cycle and the latter detecting and
holding the instantaneous polarity of a preamplified (V;, — V,;) during the second half
clock cycle (i.e., in a nonoverlapping fashion [34]).

Qualitatively speaking, the preceding comparator constitutes a pseudo-S&H,
which samples a voltage difference and then holds its polarity. However, it is faster
than a normal S&H because the preamplifier does not need to spend time settling its
output to a specified voltage level, since only the polarity of the output signal
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matters. Therefore, in a flash ADC, sampling and quantization are typically carried
out simultaneously, and no dedicated front-end S&H circuits are needed.

EXAMPLE 5.4

For the flash ADCs illustrated in Figures 5.6(a—c), find out for what values of V,,
the digital output of each ADC will change without overloading, and discuss the
results.

Solution: Let us start with the converter in Figure 5.6(a). The current that flows
from the reference voltage V., to ground is given by I = V,,/4R. Starting from the
bottom, we denote the voltages appearing at the positive inputs of the four
comparators to be V;, Vy, Vi1, and V,,, respectively. The denotation V,, stands for
over-range voltage, which is equivalent to the maximum allowable input voltage
without overloading the ADC. By inspecting the circuit diagram, we can write the
following threshold values of V;, for which the digital output code will change:

‘/ref 3 ‘/ref 5 ‘/ref 7 ‘/ref
‘/(Jl:??VlO:T’Vll: 2 Vo = 2 (5.42)

We now can find that the first code transition happens when V,, equals V,/8. After
that, the distance between two adjacent code transition points is equal to V,,/4, and
the over-range voltage is equal to 7V,,/8.

Similarly, for the converter in Figure 5.6(b), we can write the following:

‘/ref ‘/ref 3‘/}’ef
V01:O7‘110:T7‘/ll:7"/0r: 4 (5.43)

Here, the first code transition happens when V;, equals 0 V instead of V,,/8. After
that, the distance between two adjacent code transition points is equal to V,,/4, and
the over-range voltage is equal to 3V,,/4, which is smaller than 7V,,/8.

And for the converter in Figure 5.6(c), we have

‘/ref 2‘/ref
Vour=0,Vip=—-,V,= "/or:‘/ref
3 3
The first code transition also happens when V,, equals O V. After that, the distance
between two adjacent code transition points is equal to V,,/3, which is larger than
V,/4, and the over-range voltage is equal to V,,, which is larger than both 7V,,/8 and
3V,f4.

(5.44)
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Comparing one converter with another, we realize that the first flash ADC
realization shown in Figure 5.6(a) is advantageous over the remainders, mainly because
it provides four discrete output levels between 0V and V,,, whereas the other two
provide only three. As a result, in an ideal situation, the absolute quantization noise of
the first ADC remains less than or equal to 0.5 LSB, while the others have an absolute
quantization noise that is equal to 1 LSB. In addition, the first configuration can be used
to realize a bipolar or midtread flash ADC (i.e., a converter that operates with both
positive and negative analog signals), while the other two cannot.

Despite their differences, all three converters shown in Figure 5.6 share a common
characteristic—that is, each of them includes four comparators. Generally speaking,
to realize an M-bit flash ADC, 2" comparators are required.

Alternatively, we can save one comparator by reversing the polarity of each
comparator. That is, the negative input of each comparator is connected to a node on
the resistor string, and the positive input is connected to V,,. In effect, to realize an
M-bit flash ADC, (2" — 1) comparators are needed. Note that once the polarity of the
comparators is reversed, the thermometer code will be inverted as well; hence, the
digital logic circuitry needs to be changed correspondingly.

However, the number of comparators is still too large. For instance, an 8-bit flash
ADC requires at least 255 comparators. Such a large number of comparators dissi-
pate high power and occupy a large silicon area. Also, they result in a large parasitic
capacitance at the input terminal (V;,), which limits the overall speed of the flash
ADC and complicates the design of the circuit preceding the ADC.

Furthermore, besides the resistive matching accuracy (i.e., AR/R), the conversion
accuracy of the flash ADC greatly depends on the precision of the comparators (e.g.,
offset and metastability errors [34]), which becomes more difficult to maintain as M
increases.

Adopting the approach discussed in Section 5.3, we can find that the worst-case
INL of an M-bit flash ADC (in units of LSBs) is given by

|V0ﬁ|

v, (5.45)

max

INL| . =2""" ‘ﬁ‘ +2M.
R re;

Here, we assume that each resistor has an absolute mismatch error of [AR|, that the
sum of all the resistor mismatch errors is equal to zero, and that V, is the maximum
input offset voltage of the comparator. Thus, even if the resistors were all perfectly
matched, it would still be impractical to use flash ADCs for obtaining high resolutions
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due to the comparator offset error. For instance, assume that there is no resistor mis-
match, and that a 12-bit flash ADC is desired (V,.,=5V), then the maximum input
offset voltage must be kept less than (or equal to) 0.61 mV to keep the INL below 1/2
LSB, which is nearly impossible to achieve given the existing CMOS technologies.

In comparison with a traditional flash ADC, an interpolating flash ADC has a
reduced number of preamplifiers inside the comparators; thus, the total input capaci-
tance is reduced by an interpolating factor (K), while the parallel characteristic of a
flash ADC is maintained. For instance, a traditional 4-bit flash ADC requires sixteen
preamplifiers, whereas an interpolating ADC with K = 4 only needs four.

Interpolation may be implemented using one of the following approaches: resistor
interpolating [35], capacitor interpolating [36], and current-mirror interpolating [37].
All three approaches, although named differently, share the same methodology,
which is to slice the (voltage or current) difference between two adjacent preampli-
fiers’ outputs into K equal pieces so that the number of preamplifiers is reduced by
K. Interestingly, examination of the resistor interpolating structure will show that it is
somewhat similar to the double resistor-string technique shown earlier [14].

Also note that an M-bit interpolating flash ADC still needs 2" latches after the
interpolating stage for carrying out the polarity detection. The number of the latches
can be reduced by using the folding technique. Specifically, given a folding factor F,
the number of the latches needed is reduced to 2", Both interpolating and folding
are incorporated into one flash ADC sometimes—for instance, in [38]—but they can
also be used individually. The reader is referred to the literature for more details on
folding flash ADCs.

The design of state-of-the-art flash CMOS ADCs emphasizes the specifications
that combine very high sampling rates, from a few hundred megahertz [39][40] up to
several gigahertz [41][42][43][44], with ENOBs in the range between 5 and 8 bits.
Fast 6-bit flash CMOS ADCs [39][40][41][42] find use primarily in applications such
as the read-write channels of a magnetic data storage system, which is ever pushing
the speed limit. Fast 8-bit flash CMOS ADCs such as [43][44] can be used for
instrumentations and wireless/wireline communications. The ongoing commercializa-
tion of ultra-wideband (UWB) technologies also stirs the development of CMOS
ADC:s that will be capable of providing a moderate accuracy (4 to 6 bits) across a
wide signal bandwidth (at least 500 MHz). At the time of this writing, flash CMOS
ADC is the best architecture of choice for this potential application.

Due to the inherent characteristics of flash ADCs such as high clock rate and low
resolution, they are seldom built based on SC configurations. However, in some
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capacitor-interpolating or folding flash ADCs, multistage SC preamplifiers or com-
parators [11] have been used to reduce the clock feedthrough as well as input-referred
offset errors. The use of multistage SC comparators, although providing a better
accuracy performance, may limit the overall speed of the flash ADC. Specifically, a
cascade of M comparators has a time constant approximately given by (assuming all
comparators are identical [11])
2

AML'A, (5.46)

3u,V,e
where L is the length of the input transistor(s), A, is the dc gain of each comparator,
and V. is the effective gate-source voltage of the input transistor(s). For example, if M
=3,A,= 10, i1, = 0.05m*/Vs, V.= 0.7V, and the flash ADC is implemented in a 0.35-
um CMOS technology (here the nominal value of L is equal to 0.35x~/2 = 0.495um),
then from the preceding formula we can find that the smallest possible time constant
due to the multistage comparators is about 0.28 nS. If we assume that it would take 77
for the outputs of all comparators to settle within 0.1% of their final values, then the
maximum achievable clock rate is approximately 510 MHz.

T

In

Furthermore, the value of V,, will be decreased as the power supply voltage contin-
ues shrinking from 3.3V down to 2.5V, 1.8V, or even below 1.0V, thereby further
reducing the speed. On the other hand, aggressive submicron CMOS scaling—for
instance, 0.18- or 0.12-um CMOS technology—can help significantly increase the
speed. Also, it is a common practice that the tradeoff between the comparator’s dc gain
(Ap) and the total number of stages (M) be optimized for the best performance.

As a final note, there are many other practical design issues regarding flash
ADC:s than those presented here, such as bobble/sparkle error, clock jitter, and
flashback error. It is not the intention of this book to list them exhaustively. The
interested reader is referred to the literature for more details. Good references on
these issues include [9][11].

Two-Step ADCs

As mentioned in the previous subsection, for implementing an ADC that operates at
the fastest possible clock rates with a resolution in the range of 4 to 8 bits, the flash
architecture is clearly the best choice. However, it normally requires a large number
of small-offset comparators and dissipates a lot of power.

The two-step ADC (sometimes it is also called the subranging ADC when the
subtraction is not adopted) architecture was originally developed for providing 8 to
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10 bits resolution at sampling rates of tens of megahertz [45]. However, in the past
few years, thanks to the fast advancements of n-step (n = 3) pipelined ADCs, the
two-step ADCs’ formerly exclusive speedway has been occupied by the new n-step
ADCs operating at high sampling rates (from 10MHz to 80 MHz) with a high
resolution ranging from 10 to 15 bits. That is, the lower-speed portion of the two-step
ADC'’s performance range has been gradually merged with the higher-speed portion
of the n-step ADC’s performance range.

As a new technological trend, most state-of-the-art CMOS two-step ADCs
[46][47] are targeting at the higher-speed performance range, namely, with higher
sampling rates (from 80 MHz to 200 MHz) and a medium resolution ranging from 7
to 9 bits. These specifications are appropriate for applications such as wireless LAN,
Ethernet communications, instrumentation, and interfaces for processing uncom-
pressed digital video signal, for instance digital visual interface (DVI).

The conceptual block diagram of a 10-bit two-step ADC is shown in Figure 5.7.
As we can see, there are three subconverters embedded in the two-step ADC. The 4-

%

4-bit
4-bit 4-bit
ADC ADC
S & H3

Vine— 5| S&H1 S & H2 _C

+

7-bit
ADC
4-bit // Digital error
e correction and latch
7-bit
10-bit
output

Figure 5.7 Block diagram of a 10-bit two-step ADC.
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bit ADC (also called sub-ADC) is normally implemented based on the flash ADC
architecture (often with interpolating or folding). The 4-bit DAC or a sub-DAC,
which may be implemented as a thermometer-coded SC DAC similar to that shown
in Figure 5.3(b) or a hybrid (i.e., with reference resistors and capacitors) DAC,
recovers the 4-bit digital word to an analog signal. Recalling the model of quantiza-
tion noise extraction shown in Figure 5.1, we can find that the quantization noise due
to the 4-bit sub-ADC (or residue) is obtained by using a subtraction unit. The quanti-
zation noise is then sent to the following residue amplifier. The third data converter
is a 7-bit sub-ADC in flash structure.

The 10-bit two-step ADC operates as follows. The 4-bit sub-ADC carries out a
coarse conversion of the input signal, and the resulting estimate of the four MSBs is
sent to the error correction module. Meanwhile, the estimate of the four MSBs is
also transformed back into an analog signal by the 4-bit sub-DAC, which is then
subtracted from the sampled-and-held input V;,. Next, the output of the subtraction
unit is amplified by a gain stage before entering into the 7-bit sub-ADC. The 7-bit
sub-ADC then carries out a fine conversion. The 7-bit digital output is the estimate of
the 6 LSBs, and it is combined with the 4-bit output of the first sub-ADC in the
digital error correction module. The final encoded output is a 10-bit digital signal.

As the schematic shows, there is a front-end S&H circuit denoted as S&HI1. This
S&H circuit is an essential building block of the two-step ADC. Without this S&H,
the analog input signal cannot change more than 1/2 Vs during the time when the
coarse conversion and subtraction are in process (we denote this time interval as ¢,.).
If it is assumed that a sinusoidal input with a peak-to-peak voltage magnitude of V.,
and a frequency of f;, is applied to the input of an M-bit two-step ADC, we can find
the worse-case limit of 7., which is given by

M+1
t, < Vg 2 S
T (Vy/2)-@r-f,) 2" -m-f,

If M =10 and f;, = 20MHz, the maximum allowable value of 7, will be only about
8 ps, which makes it impossible for the coarse conversion or subtraction to finish
successfully. Therefore S&HI is necessary; additionally, it must have an accuracy of
no less than M bits or the output of following stages will deviate significantly from
the desired value.

(5.47)

In comparison, S&H2 is not as critical; it is an optional component. It simply
creates an extra delay so that the residue amplifier will have sufficient time to settle
before the next input comes in. This, however, indicates that a two-step ADC tends
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to suffer from latency induced by the time it takes to settle the residue amplifier and
complete the fine conversion.

In comparison with a 10-bit single-stage flash ADC, the number of comparators
in the two-step ADC shown in Figure 5.7 is considerably smaller, which is equal to
142 when the 4—7 combination (i.e., 4-bit and 7-bit sub-ADCs) is adopted. In addi-
tion, if a 5-5 combination is used, then the number of comparators will drop to only
62. As the result, the power dissipation, die area, and input capacitance loading are
reduced significantly. However, the even-splitting configuration (e.g., 5-5) is not
popular in practice for the following reason. Assume that the desired resolution
of the two-step ADC is M bits. If the true resolutions (i.e., accuracies) of the first
and second sub-ADCs are expressed as M, bits and M, bits, respectively, then the
relationship between the first and second stages in terms of accuracy can be
expressed as

\%
2M1+M2—1 1 ;fz
< 2

oM T 26y, oM
The left part of the preceding represents the maximum residue error at the subtrac-
tion unit’s output in units of LSBs, assuming that 1 LSB corresponds to (V,,/2").
The right part, also in units of LSBs, represents the minimum input step that the
second sub-ADC is able to resolve. In addition, here the closed-loop gain of the
residue amplifier is expressed as 2¢ (in units of V/Vs) for convenience. Note that the
preceding is a tight sufficient condition to guarantee that the residue from the first
stage is successfully resolved by the second sub-ADC.

(5.48)

After a few rearrangements, we obtain the following relaxed but still sufficient
condition.

G=2(M-M,)-M,+1 (5.49)

For the even-splitting configuration (i.e., M = 10 and M, = M, = 5), from the preced-
ing equation we get G = 6. As a result, the residue amplifier needs to provide a
closed-loop gain of 64 V/V at clock rates on the order of 10 megahertz. Moreover, it
can be shown that the open-loop gain of the residue amplifier that keeps the absolute
gain error less than or equal to 1/2 LSB [9][10] is given by

A, =4,02""+1) (5.50)

where A,, and A, represent the open-loop and closed-loop gain of the residue
amplifier, respectively. Thus, the 5-5 combination requires an open-loop gain of
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4160 V/V, or, equivalently, 72.4dB, which is not easy to achieve under a sampling
clock of 10MHz or higher. Alternatively, if it is assumed that M, =5 and M, = 6,
then the amplifier’s closed-loop and open-loop gains will be reduced to 16 V/V and
66.3 dB, respectively. Figure 5.7 shows that M, = 4 and M, = 7. In this case the
residue amplifier’s closed-loop gain will be equal to only 8 V/V, and the open-loop
gain is still about 66.3 dB.

Interestingly, a quick survey of all the possible {(M,, M,)}-combinations will show
that the foregoing 4—7 and 5—-6 combinations are the two most appropriate choices for
a 10-bit implementation, since both greatly ease the design of a high-speed residue
amplifier in terms of stability and the gain-bandwidth product. Furthermore, it is
instructive to know that the number of resolution (M) for the first sub-ADC tends to
affect the ADCs’ spurious-free-dynamic-range (SFDR) performance [48].

As new-generation two-step ADCs find primary use in wireless communications
and other high-speed (50 MHz and above) conversion applications, the SFDR specifi-
cations of these ADCs have been developed recently [48][49]. The SFDR of an ADC
is defined to be the difference in decibels between its full-scale (FS) fundamental
and the maximum spurious tone in the output spectrum.

For a specific ADC, SFDR is typically higher than signal-to-noise-plus-distor-
tion-ratio (SNDR), since SFDR primarily deals with spectral spurs, which are
normally dictated by the inherent nonlinearity of the quantization process (i.e., the
input and the quantization noise are somewhat correlated) and by the interstage gain
error. It can be proved that the SFDR of a two-step ADC is dependent on the bit
number of its first sub-ADC (M,), such that

SFDR ~9M, - 20lge —c (5.51)

where € is the relative interstage gain error, and c is an offset value that ranges from
0 for low resolutions to 6 for high resolutions [48]. Based on this equation, for every
bit that M, gains, theoretically SFDR is increased by 9dB. Thus, when SFDR is
more critical than SNDR—for instance, in an integrated wireless receiver with a
front-end 10-bit two-step ADC—the 5—-6 combination will be a better choice than
the 4—7 combination. The rigorous proof of Equation (5.51) can be found in [49].

In accounting for all the components shown in Figure 5.7, we find that each of
S&HI1, S&H2, the subtraction unit, and the sub-DAC requires a 10-bit accuracy,
whereas each of the residue amplifier, S&H3, and the second sub-ADC requires a 7-
bit accuracy. The sub-ADC in the first stage only needs to be a true 4-bit flash
ADC—that is, with 4-bit resolution and 4-bit accuracy (ENOB), thanks to S&HI1 and
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the digital error correction module [11]. Thus, the most critical analog building block

in a two-step ADC is the front-end S&H (S&H1), which must be capable of sampling
with a high precision at a high clock rate. In [48], a simple and yet high-performance

integrated SC S&H appropriate for CMOS two-step ADCs was reported.

Pipelined ADCs

The pipelined (or n-step) ADC may be considered the generalization of the two-step
ADC. Figure 5.8 illustrates a conceptual block diagram of a 10-bit pipelined ADC.
As the schematic shows, the 10-bit pipelined ADC consists of an input S&H and
nine cascaded (or pipelined) ADC stages. In each stage (except for the last stage,
whose bit number is often greater than that of the remainders), the input signal is
converted into a digital code by a sub-ADC (usually a flash ADC with a resolution
of no more than 4 bits), and then the digital code is read into the shift register array.

10-bit output
Shift register array and error correction :>
M;-bit M-bit Mg-bit
Vi, @ éngu:l Stage 1 Stage2——> o ¢ ¢« ————>{Stage 9
7 - A ~N
Ve - > ~ N
d ~
~N
d >
7 > ~
7 ~
7 ~
M;-bit
M;-bit M;-bit
ADC ' DAC
Vint * N Voutt
eee < A ——3 oo
D>

Figure 5.8 Block diagram of a 10-bit pipelined ADC.
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In the meantime, the output digital code is converted back into an analog signal by a
sub-DAC (usually an SC or hybrid DAC). Similar to a two-step ADC, the quantized
analog signal is then subtracted from the input signal, and the residue signal is
amplified by a gain factor and passed on to the next stage.

All sub-ADCs (or DACs) of stages 1 to 8 are normally designated to have the
same bit resolution (i.e., M, = M, =...= My). In practice, the bit number of each
subconverter is usually chosen to be either 1 or 1.5; the latter is more popular for it
dramatically desensitizes the pipelined ADC’s performance to the circuit imperfec-
tions such as comparator offsets [SO][51]. The principle of 1.5-bit/stage configuration
will be explained shortly.

Before proceeding, note that an M-bit pipelined ADC introduces a latency of M
clock cycles. That is, the output of the first stage (i.e., the MSB) needs to wait (M —
1) clock cycles till the output of the final stage (i.e., the LSB) is determined in the
Mth clock cycle.

However, all nine stages never stop processing new input samples, and the ideal
processing rate of each stage is equal to the clock rate. This indicates that the overall
conversion rate of the ADC is determined by the operation of each individual stage
and independent of the total number of stages. Thus, ideally the pipelined ADC
could operate at a very high sampling rate (comparable to that of the flash ADC).
Nevertheless, in reality the pipelined ADC is seldom used in place of the flash ADC
because the yield is uneconomically low (consider the extra design and fabrication
cost due to the S&Hs and residue amplifiers).

A prominent feature of the pipelined ADC architecture is that the circuit’s com-
plexity increases linearly, as opposed to exponentially (e.g., flash and two-step), with
the number of resolution. Use the 10-bit pipelined ADC shown in Figure 5.8 as an
example: If the 1-bit/stage configuration is used for building the converters in stages 1
to 8 and a 2-bit flash ADC is employed by stage 9, then only 11 comparators are
needed, which is considerably less in comparison with 1023 (flash) and 142 (two-step).

Nowadays, the pipelined ADC architecture is a strong contender in low-cost (i.e.,
small silicon area, low power, and high technology scalability/portability) and high-
performance (i.e., high resolution and high speed) A/D conversion applications.

Next, we investigate the implementation of the pipelined ADC. In most cases, the
subconverters, subtraction unit, and residue amplifier of each stage can be combined
and implemented as a single SC circuit block, which is called the multiplying digital-
to-analog converter (MDAC).
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Figure 5.9 1-bit SC pipelined stage.

First, consider the 1-bit pipelined stage shown in Figure 5.9. Although a single-
ended configuration is illustrated here for simplicity, in practice the fully differential
version is normally used to maximize the circuit’s common-mode performance. In
the schematic, the two-level comparator (“COMP”) realizes a 1-bit sub-ADC, and the
digital output D connects either +V,,, or -V, to the sampling capacitor C, realizing a
1-bit sub-DAC.

The circuit operates as follows. When @, = 1, the op-amp is reset (the reset
switch is connected from the op-amp’s negative input to ground instead of its output,
so that the op-amp’s intermode slewing requirement is relaxed), and both C, and the
feedback capacitor C; are charged by V,,. Next, when @, = 1, Cyand C; are coupled
together, and C; is connected to either +V,,; or =V, depending on the comparator’s
output D. If it is assumed that the op-amp has an infinite gain, and that the compara-
tor does not have an input offset error, then the input/output relationship of the 1-bit
pipelined stage can be expressed as

C+C,
CxC)y, Sy irv,>0
_l < < (5.52)
out — (CS+Cf) C ' .
—'Wn+ S"/ref’lf‘/in<0
Cf Cf

If C, is equivalent to Cy, then the function is rewritten as
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2V, =V . if V. >0
V :{ in ref’!f m> (553)

. 2‘/in+‘/ref’if‘/in <0

This indicates that the quantization noise of the 1-bit sub-ADC (also known as the
residue), which may be expressed as either (V;, + 0.5V,,p) or (V;, — 0.5V,,y), depending
on the polarity of V,,, is multiplied by 2. Also, note that the SC configuration around
the op-amp actually realizes an S&H function.

Although an interstage gain of 2 is used here (as in most textbooks and papers)
to simplify the analysis, note that this gain factor is not optimal. It has been reported
that an optimization of the interstage gain would be necessary in many technical
challenging scenarios [51][52], for instance, implementing a low-voltage (V,; < 2.5V)
and high-resolution (M = 12 bits) CMOS pipelined ADC with a stringent power
budget (less than 120-mW; analog portion only). It is not the author’s intention to cite
the many mathematically interesting but intense derivations from the excellent work
by Cline [52], which is an important part of ongoing research at the time of this
writing. The interested reader is encouraged to explore this topic in the reference.

Next, based on the transfer function of Equation (5.53), we can draw the transfer
curve of an ideal 1-bit pipelined stage, which is illustrated in Figure 5.10(a).

However, in practice nonidealities in the circuit such as the comparator offset,
capacitor mismatch, finite op-amp gain, or charge injection cause the actual transfer
curve to deviate from the ideal. First, as indicated in Figure 5.10(b), the comparator

Figure 5.10 Transfer curves of a 1-bit D :_/ D :1/ \D :_/ i
pipelined stage. (a) Ideal. (b) With >§ E E >§ i E
comparator offsets. (c) With capacitor i ! i V :
mismatch and/or finite op-amp gain. :/ / E / i

(d) With charge injection. V,

Vout
Vout
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offset shifts the transition point and causes the residue to exceed the resolvable range
of the following stages [50], which is confined within the rectangle shown in Figure
5.10(b). In such a case, if a wrong decision of D is made, then the resultant wrong
V,.: 18 likely to cause the next stage to make a wrong decision. The same pattern
goes on till the last stage (consider an analogy to the domino theory/effect).

Second, the capacitor mismatch and the finite op-amp gain can introduce an
interstage gain error (i.e., the gain deviates from 2). This interstage gain error
changes the slope of the curve, as shown in Fig. 5.10(c). Third, the charge injection
error causes the transfer curve to shift vertically, as shown in Figure 5.10(d).

As Figures 5.10(b) through 5.10(d) illustrate, a common effect of the preceding
nonidealities is that they all cause the stage residue to go beyond the resolvable range
of the following stages. This out-of-range problem significantly increases the possi-
bility of missing codes, which is also an indication that the linearity of the pipelined
ADC has been corrupted.

To alleviate the foregoing problems, we can use the 1.5-bit pipelined stage in
Figure 5.11. As the schematic shows, in comparison with the 1-bit stage in Figure 5.9,

d2
04 Cy
o ? |7
~0.25V, +0.25V, g Ce
1 T e D
R

—o Vout

+ - [0} 04
COMP COMP .

Figure 5.11 1.5-bit SC pipelined stage.
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this circuit makes use of two comparators in addition to two logic gates (XOR and
NOR) to realize the subconverters. In this configuration, when @, = 1, C; may be
connected to one of three potentials: +V,., —V,., and ground, depending on the
comparator’s output. Similar to the preceding analysis of the 1-bit pipelined stage, we
can find the ideal input/output relationship of the 1.5-bit pipelined stage as follows:

2‘/in - ‘/ref7 UC ‘/in > 025‘/}“8f
Vo =142V, if —=0.25V,, <V, <0.25V,, (5.54)
2‘/m + ‘/ref’ lf ‘/in < _0'25‘/ref

Here, we also assume that the capacitance of C; is equal to that of C. As Equation
(5.54) indicates, in the 1.5-bit/stage configuration, the input threshold voltage (i.e.,
the input signal voltage level that causes the transfer function to change) is no longer
located at the origin; instead, in this case we have two input threshold voltages: one
is located at +0.25V,,; and the other is located at —0.25V,,.. Additionally, the preced-
ing function implies that a 1.5-bit stage provides three decision levels as compared to
the two levels provides by a 1-bit stage. Next, we discuss how the 1.5-bit stage works.
Consider a 3-bit pipelined ADC that is composed of two cascade 1.5-bit stages. We
can find the mapping from the input signal level to the corresponding 3-bit binary
output code in Table 5.2.

The decision levels listed in Table 5.2 are specified based on the assumption that
a 1.5-bit stage generates digital words of 00, 01, and 10, in response to input signals
that satisfy V,, < -0.25V,,,, —0.25V,,, < V,, < +0.25V,,;, and V,, > +0.25V,,, respec-
tively. For instance, if the input signal voltage level is between —0.625V,,, and
—-0.375V,,, then the first 1.5-bit stage will generate a digital word of 00, and an
analog residue voltage (V,,,) that ranges between —0.25V,,; and +0.25V,,, according to
Equation (5.54). Consequently, the second 1.5-bit stage will generate a digital word

Table 5.2 Mapping of V,, to the 3-bit binary output.

Vi, Decision levels 3-bit Binary codes
Between -V, and —0.625V,¢ 0000 000
Between —0.625V,.; and —0.375V,; 0001 001
Between —0.375V,; and —0.125V,; 0010 and 0100 010
Between -0.125V,.; and + 0.125V,; 0101 011
Between +0.125V,; and + 0.375V,; 0110 and 1000 100
Between +0.375V,,; and +0.625V,; 1001 101
Between +0.625V,.; and + V. 1010 110
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of 01, which is lined up with the previous digital word (i.e., 01) to form the decision
level: 0001, as presented in the foregoing table. Next, by using simple overlap-and-
add [50][51] digital logic—that is, use a shift register to overlap the LSB of the first
stage’s output with the MSB of the second stage’s output, and use an adder to add
them up—we can obtain a 3-bit binary word: 001, which is the final digital output
for this particular input signal.

However, when the input signal satisfies —0.375V,,, < V;, < —0.125V,,; (i.e., within
the range that encompasses one of the input thresholds, —0.25V,,,), we may obtain
either one of two decision levels (i.e., 0010 and 0100), depending on which side of
the threshold the input signal belongs to. Specifically, if the input signal satisfies
-0.375V,,, < V,, < =0.25V,,;, then the resulting decision level is marked at 0010;
on the other side, if it satisfies —0.25V,,, < V;, < =0.125V,,;, then the decision is 0100.
Nevertheless, it is easy to find that both decision levels lead to the same 3-bit binary
code (i.e., 010). In other words, for a V,, near the threshold voltage (i.e., —0.375V,,; <
Vin < —=0.125V,,), the decision made by the comparators in each 1.5-bit stage may go
either way, and it does not affect the final digital output or the overall accuracy of
the ADC. A similar argument also applies to the case when +0.125V,, < V,, <
+0.375V,,.. This is a desirable feature for the design of pipelined ADCs, because it
allows us to build ADCs that are insensitive to the wrong decision level that mainly
results from comparator dc offsets, thereby greatly easing the design of the
comparators.

Unfortunately, although a pipelined ADC that is built on the 1.5-bit/stage con-
figuration is typically insensitive to comparator offset errors, it is still subject to the
nonlinearity errors induced by the finite op-amp gain, capacitor mismatch, and
charge injection. For instance, if it is assumed that the op-amp used in the MDAC
has a finite gain of A, then the transfer function derived earlier in Equation (5.54)
can be rewritten as

2
2V, =V, )| 1-——|,if V,, >0.25V,,
( mn re_) ( A+2) U(‘ mn f
2
v, =l .(1 - m) if 025V, < V,, <0.25V,, (5.55)

2 .
2V, +V,,)- (1 - m), if V,, <-0.25V,,

Thus, the interstage gain deviates from its ideal value, which in this case is equal to
2, by 4/(A + 2). Notice that the mismatch between C; and C; is not taken into
account in the foregoing function, while in practice it cannot be neglected since the
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interstage gain greatly depends on the capacitance ratio (assuming the ratio-
independent technique [26] is not used here).

Many techniques have been proposed to remove the interstage gain error due to
the finite op-amp gain and capacitor mismatch errors. Among them are the analog
calibration/correction techniques (see Section 5.3). However, they are primarily used
to cancel capacitor mismatch errors, and they require extra analog components and a
more complex circuit design.

One of the predominant accuracy enhancement techniques for pipelined ADCs
nowadays is called the digital self-calibration [51][52]. The key point of this tech-
nique is to have the ADC measure and correct its own gain error as well as other
nonlinearity errors, all in the digital domain. In comparison with the conventional
capacitor trimming technique, which measures the errors in the analog domain by
using a trimming capacitor, the digital self-calibration technique uses the 1.5-bit/
stage configuration to record the digital output of each stage, estimates the average
interstage gain error, and removes the error using simple digital logic [51]. Thanks to
the powerful digital signal processor, the digital self-calibration is usually technology
scalable and insensitive to process or other environment/temperature variations.

However, similar to the capacitor trimming technique, the digital self-calibration
technique is also a foreground calibration [51][52], due to the serial timing arrange-
ment of the measurement and the calibration. In practice, the digital self-calibration
is normally done during the power-up or standby mode to avoid interrupting the
normal A/D conversion.

Since the late 1990s, various background calibration techniques have been
reported, enabling the calibration and the standard A/D conversion to be performed
separately and simultaneously. A straightforward solution is to replace the pipelined
stage undergoing calibration with a dedicated redundant stage, which is similar to the
methodology of calibrating the current-mode DAC [18] and SC DAC [33]. However,
the price is more silicon area, power, and, most important, a speed penalty.

Many state-of-the-art pipelined ADCs incorporate the correlation algorithm into
their background calibration schemes [53][54][55]. The basic idea is that the analog
input signal is first modulated with a signed binary pseudo-random sequence such as
{+1, 0, -1, 0, +1 .. .}, which can be generated by using multiple D-flip-flops and a
feedback XOR gate. Next, the modulated input signal travels through the pipelined
stages. Then the ADC’s output digital signal is multiplied by the same signed binary
pseudo-random sequence in the digital domain, thereby extracting or demodulating
the nonlinearity errors including the gain error out of the output signal. Lastly, the
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errors can be canceled by simply subtracting them from the ADC’s output. As the
result, no extra analog circuit blocks are needed.

Thanks to the effectiveness and simplicity, the correlated-based calibration
scheme has become a prevalent topic in the field of high-performance data converters
(both in industry and academia). In a few works, for instance [7], the feasibility of
adopting correlation-based calibration to cancel the nonlinearity DAC errors due to
the use of a multibit quantizer in the delta-sigma (AX) modulator has been explored.

As a final note with respect to the accuracy enhancement for a pipelined ADC,
we should know that there is an alternative technique to the aforementioned 1.5-bit/
stage design. That is, we can design a multibit first stage and build the remaining
stages either on the 1-bit/stage or 1.5-bit/stage configuration. Intuitively speaking, the
higher is the first stage’s bit number (i.e., resolution), the higher the achievable accu-
racy will be and the less the ADC’s performance will rely on the digital calibration.
In addition, the use of a multibit first stage can help reduce the total number of pipe-
lined stages; hence, the total power consumption of the ADC may be reduced [56].

However, it can be found that a multibit sub-ADC in the first stage (typically a
flash ADC) tends to have a larger input capacitive load since more input comparators
are used. In such a case, the input S&H circuit of the ADC must be able to drive this
large capacitive load; hence, the total power consumption will be increased. More-
over, a multibit first stage requires a residue amplifier with a high gain and a large
bandwidth to reduce the accuracy requirements for the succeeding stages. In other
words, the resolution of the first stage needs to be optimized to balance the tradeoff
between the resolution, circuit’s complexity, and power consumption. An interesting
calibration-free pipelined ADC with a 4-bit first stage can be found in [57].

In summary, there are many solutions to implementing a high-performance
pipelined ADC. The choice of the best ADC is seldom absolute and greatly depends
on the specific applications and the technologies available. In practice, it is conve-
nient to adopt a figure of merit (FOM) in evaluating the ADC’s performance. To
evaluate pipelined ADCs useful for high-speed and high-resolution applications, the
following FOM is often adopted [56]:

Power -V,
ENOB

2 ’ frlk

Here, V,, is the power supply voltage, and f;; is the system clock frequency. The
smaller is the preceding FOM, the more appropriate the ADC will be for applica-
tions that require a high speed and a high resolution.

FOM = (5.56)
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Cyclic ADCs

A cyclic (or algorithmic) A/D converter, like its D/A counterpart introduced in
Section 5.3, uses the same analog circuitry to perform the conversion in a recycling
fashion. Thus, the cyclic ADC is typically chosen for applications that require a low
power consumption and a small chip area.

A conceptual schematic of an M-bit cyclic ADC is shown in Figure 5.12. Note
that the cyclic ADC looks almost identical to the 1-bit pipelined stage shown in
Figure 5.9, except for the feedback from the subtraction unit to the input sampling
switch.

The cyclic ADC operates as follows. During the first cycle after reset, the input
V.. 1s sampled by the front-end S&H, and is compared with O V. The result of the
comparison is the sign bit, which is read into the shift register. During the next cycle,
the held V,,, or, equivalently, V(1) is doubled by the multiply-by-two residue amplifier,
and the result is subtracted by either +V,,; or -V, depending on the output of the

—e—> S&H x2 9

Vin *—o

+ — —
COMP/

TL
+Vref _Vref

Do

Shift register

IR

BB, By-1 Bu
Digital output

Figure 5.12 Cyclic ADC.
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comparator B(1). For instance, if it is assumed that the comparator outputs a 1 (i.e.,
V(1) > 0V), then the residue voltage will be given by V(2) = 2V(1) — V,,. Next, V(2)
is sampled by the front-end S&H, and the foregoing procedure is repeated to decide
the MSB and the new residue voltage V(3), which may be given by either [2V(2) —
Vs or [2V(2) + V.4, depending on the output of the comparator B(2). This recursive
operation continues till all M bits (from the MSB to the LSB) are decided. Thus, the
operation of the ADC follows an algorithm, which is described by [24][26][27]
V(i+1)=2V(i)+ (—l)bl Vi, fori=12,... .M and b= {1 lf V(l_) =0 (5.57)
0 if V(i)<O0
From the preceding function, we realize that the cyclic ADC works in a serial
manner; hence, it is a serial ADC, as opposed to the parallel flash ADC and the
serial-in-parallel-out two-step and pipelined ADCs. As a result, standard cyclic
ADCs normally operate at low sampling rates ranging from 5 to 500 kHz.

As for the achievable resolution of a cyclic ADC, the major limiting factor is the
gain error of the multiply-by-two (X2) amplifier, which is mainly due to capacitor
mismatch. Ideally, the MDAC shown in Figure 5.9 could be used to realize the
multiply-by-two amplifier of the cyclic ADC. However, the effect of mismatch
between the sampling capacitor C; and feedback capacitor C; (shown in Figure 5.9) is
more pronounced in the cyclic ADC than in the pipelined ADC, because the cyclic
ADC uses the same stage repeatedly. Intuitively speaking, a pseudo-positive feedback
loop of the gain error exists in the cyclic ADC; hence, the error’s RMS value tends
to aggregate over time and eventually corrupt the system.

One of the best solutions to the problem regarding the multiply-by-two amplifier’s
gain error is called the ratio-independent technique [24][26]. The essence of this
technique is to transfer electric charge from the input to output virfually through only
one capacitor (Cy), thereby allowing the circuit’s voltage gain to be independent of
capacitance ratios. Although the actual circuit implementation requires an extra
capacitor (C)), it is merely a depositary of charge; thus, its capacitance and relation to
C, are not important.

A ratio-independent multiply-by-two SC amplifier is shown in Figure 5.13
[11][26]. The input V,, comes from the output terminal of the preceding front-end
S&H, and the output V,,,; goes to the subtraction circuit. As the schematic shows, four
nonoverlapping clock cycles are needed to decide the output, and some switches are
on during more than one cycle. For example, the denotation @, + ®; means that the
switch is turned on during ®, and ®; cycles. Table 5.3 lists the values of the voltages
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Figure 5.13 Ratio-independent multiply-by-two SC amplifier.

Table 5.3 Operation of the circuit shown in Figure 5.13.

Voltages Phase @, Phase @, Phase @4 Phase @,
VCS V/ - Voff —Voff Vl - Voff 2 Vin - Voff
VCf Voff Volf - Vln(cs/ Cf) Voff - V/n(Cs/ Cf) Voff
Vout Voff Vin ( Cs/ Cf) Voff 2 Vin

in the circuit during different cycles. (It is assumed that the op-amp has an input
offset voltage V,;. V¢, and V, represent the voltages across C, and C;, respectively.)

Comparing Figure 5.13 with Table 5.3 and applying the charge reservation prin-
ciple, we can find that the circuit operates in the following four steps.
Step 1. Sample the input by C..
Step 2. Deposit the charge on C; to C,.
Step 3. Sample the input by C; for the second time.

Step 4. Withdraw the saved charge from C; and transfer it back to C; to obtain an
output voltage equal to 2V,.

Additionally, it can be shown that the circuit is insensitive to the op-amp’s input
offset.

As we can see, four clock cycles are needed to complete one multiplication. Thus,
an M-bit cyclic ADC needs at least 4M clock cycles to complete an M-bit conversion
(the nonideal settling of the op-amp may cause additional time). For example, theo-
retically a 14-bit cyclic ADC will need 56 clock cycles to decide a 14-bit word.
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In [27], an offset-insensitive multiply-by-two SC amplifier that can complete one
multiplication within three clock cycles is reported. However, the reduction of con-
version time is made possible by including three instead of two capacitors in the SC
amplifier.

Moreover, both of the previous multiply-by-two amplifiers suffer from the effects
of the insufficient op-amp gain, or, equivalently, the finite op-amp gain. If the op-
amp gain is not sufficiently large, the negative input terminal of the op-amp can no
longer be considered a virtual ground, and thus an additional gain error will occur.
Chin and Wu [28] reported a gain-insensitive ratio-independent SC amplifier to
resolve this gain error. It was claimed that in their design the minimum linear gain
requirement for the op-amp would be reduced from (6M + 16) dB to (3M + 6) dB for
an M-bit cyclic ADC—at the cost of minimum 7M clock phases to complete a full
conversion. For instance, a 14-bit cyclic ADC will require a minimum op-amp dc
gain equal to only 48dB but at least 98 clock cycles to complete a 14-bit conversion.

Implementing high-resolution (10 to 14 bits) CMOS cyclic ADCs that can operate
at higher sampling rates (500kHz to 5MHz) is an actively ongoing research. One of
the noteworthy results is a 10-bit CMOS cyclic ADC clocked at 3 MHz, which was

reported by Kitagawa et al. [58].

Successive-Approximation ADCs

The successive-approximation ADC is often considered the dual to the cyclic ADC
since it also uses only one conversion stage. However, in contrast to the cyclic ADC’s
operation of doubling the residue voltage V(i), the successive-approximation ADC
halves the effective search space to decide each bit. A conceptual block diagram of a
successive-approximation ADC is shown in Figure 5.14.

The ADC operates as follows. During the first cycle after reset, the input V;, is
sampled by the front-end S&H and is compared with 0V. The result of the compari-
son is the sign bit, and it is read into the successive-approximation register (SAR).
Next, the SAR sets the DAC’s output to 0.5V,,, which is then compared with V. If it
is assumed that the comparator outputs a 1 (i.e., V;, > 0.5V,,y), then SAR will decide
the MSB to be 1, and the DAC’s output will become 0.75V,,. Otherwise, the MSB
will be 0 and the DAC will output 0.25V,,. If we assume that 0.75V,,; is compared
with V,, to decide the next bit, then SAR may set DAC’s new output to either
0.875V,,; or 0.625V,,,, depending on the current output of the comparator. The opera-
tion continues in this way till all M bits (from the MSB to the LSB) are determined
by the SAR.

185



Demystifying Switched-Capacitor Circuits

Clock

Vine— 5| S&H +
COMP SAR

LT M-bit

\
M-bit DAC < \ > Digital output

A}

M-bit

Figure 5.14 Successive-approximation ADC.

In a word, in each clock cycle the SAR divides the search space in two for
locating one bit. As a result, M clock cycles will be required to complete an M-bit
conversion. In comparison with its cyclic dual, the successive-approximation ADC
typically has a faster conversion rate.

In the successive-approximation ADC shown in Figure 5.14, the most critical
analog circuit block is the M-bit DAC, because its performance directly affects the
accuracy and the speed of the ADC. One of the most widely adopted approaches to
implement the DAC is using a binary-weighted charge-redistribution DAC, which
was reported by McCreary et al. [59].

A major drawback of the binary-weighted charge-redistribution DAC is the large
silicon area needed to layout the capacitors. In general, an M-bit charge-redistribution
DAC requires (M + 1) capacitors, and the total capacitance is given by

M
C =)2¢C (5.58)
i=0

where C is the unit-element capacitor. Also, the large capacitance tends to result in a
high power consumption if the ADC is operating at a high sampling rate.

As an area-efficient alternative to the binary-weighted charge-redistribution DAC,
an SC DAC that requires only three unit-element capacitors (regardless of the
required resolution) is shown in Figure 5.15 [60]. The nominal capacitances of all
three capacitors (C;, C,, and C;) are equal to C. The switches denoted by ®, are
turned on only during the reset mode. The on/off operations of @, and ®, are con-
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Figure 5.15 Area-efficient SC DAC.

trolled by the digital output of the SAR, or, equivalently, D in the following respec-
tive ways:

{@x:9-©1+0.q>2 (5.59)

®,=D @ +D-,

In other words, a switch may be turned on during either @, or @, cycles, depending
on the value of D. For instance, if D = 1, then the ®, switch will be turned on only
when @, = 1, while the ®, switch will be turned on only when @, = 1.

The SC DAC operates as follows. During the reset mode, the capacitor C is
charged by the reference voltage V,.,, while both C, and Cj; are discharged. Next, @,
= 1, and the first digit from the SAR is forced to be equal to 1 (for the sign bit). As a
result, the @, switch is turned on, and now C; shares its charge with C,. Prior to ®,
= 1, the nominal voltages across C; and C, are both settled to 0.5V,,. Next, ®, = 1,
and D is still kept at 1; thus, the ®, switch is turned on, the charge on C; is now
deposited to the feedback capacitor Cs, and a positive output voltage equal to 0.5V,
is obtained.

During the following @, cycle, either the @, or @, switch may be turned on,
depending on the next digital output from the SAR. For example, if the next D is
equal to 0, which means V,, is smaller than 0.5V, then the ®, switch is turned on
while the @, switch is not. As a result, the stored charge on C; (i.e., 0.5V,C)) is
shared with C, and, meanwhile, an inverted copy of the new charge on C, is trans-
ferred to Cs. Therefore, the resultant output voltage is given by (0.5V,,;— 0.25V,,,) =
0.25V,,. On the other hand, if the next D is equal to 1, then the resultant output
voltage will be equal to 0.75V,,. The operation continues in the same way till the
Mth output voltage is determined. In total, M clock cycles are required to complete
an M-bit conversion.
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However, like many other SC Nyquist-rate data converters, the preceding SC
DAC suffers from circuit imperfections such as the capacitor mismatch, the nonideal
op-amp (e.g., input offset and finite gain), parasitic capacitance, and charge injection.
Although the latter two can be alleviated by adopting a fully differential structure
and a more careful layout, the cancellation of the remainders is nontrivial. We
learned in Section 5.3 that the errors due to capacitor mismatch can be removed
using analog or digital calibrations. In addition, the problems due to the op-amp’s
imperfections can be effectively resolved by employing advanced techniques such as
autozeroing and correlated double sampling [61]. We will look into these accuracy-
enhancement techniques in Chapter 7.

Before leaving this section, note that there are other Nyquist-rate ADCs that are
realizable using the SC techniques, such as the integrating or incremental ADCs and
the time-interleaved ADCs, with the former being the slowest type of ADC and the
latter being the second fastest type of ADC (between the flash and two-step ADCs,
although the speed boundaries are becoming vague [47]). For the sake of brevity,
their characteristics are not studied in this book. For classic examples of SC imple-
mentations, the reader is referred to references such as [62] for the incremental type,
and [63] for the time-interleaved type.

5.5 Oversampling Data Converters

Nyquist Rate versus Oversampling

As we learned earlier in this chapter, the achievable accuracy of a Nyquist-rate
data converter is limited by the matching accuracy of the analog components (e.g.,
capacitors or current sources) in the circuit, which normally has a minimum relative
error of about 0.02%. As a result, most Nyquist-rate converters are not capable of
achieving ENOBs over 12-bit calibrations. However, applications such as digital
audio and instrumentations usually demand data converters with ENOBs as large as
20 or even 24 bits. Even with effective calibrations, the integrating data converter,
which is the most accurate (and the slowest) Nyquist-rate data converter, can hardly
achieve an accuracy as high as 24 bits.

In contrast to the Nyquist-rate data converters, oversampling data converters are
capable of achieving ENOBs over 20 bits without any special calibration circuitries;
however, this occurs at the cost of applying sampling rates much higher than the
Nyquist rate (typically by a factor between 16 and 512). In other words, oversampling
data converters trade speed for accuracy.

188



Switched-Capacitor Data Converters

In addition, for a Nyquist-rate ADC, undesired out-of-band signals tend to reside
near the desired signal cutoff frequency. As the result, a highly selective antialiasing
filter (AAF) is often required to precede the ADC. In comparison, an oversampling
ADC uses a sampling frequency that is much higher than the signal cutoff frequency,
thus the possibility of aliasing is trivial, and the use of a high-order AAF is not
mandatory. Furthermore, the decimation filter, which can be easily implemented in
the digital domain, provides additional low-pass filtering at the oversampling ADC’s
output. In a word, oversampling helps relax the selectivity requirement for the
antialiasing filter.

Another important difference between the Nyquist-rate and the oversampling data
converters is that the Nyquist-rate converter is memoryless while the oversampling
converter has memory. Specifically speaking, the Nyquist-rate converter generates
one output for each instantaneous input, regardless of the earlier inputs, whereas each
output of the oversampling converter depends on all previous inputs.

As discussed in Section 5.2, in an ADC, the origin of the quantization noise is
the signal ambiguity due to the incidence of converting multiple analog input levels
that the ADC cannot distinguish into the same digital code. Intuitively speaking, the
more input samples are taken into account by the ADC to decide the digital output,
the less severe the effect of the ambiguity on the ADC’s accuracy, or its quantitative
equivalence—the quantization noise—will be. This qualitatively explains why the
signal-to-quantization-noise-ratio (SQNR) can be increased by increasing the over-
sampling ratio (OSR), which is conventionally defined as follows (f; is the sampling
frequency and f, is the signal bandwidth):

s
2fo
Similar to the derivation of Equation (5.20), it can be found that the quantization

noise is approximated to a random sequence uniformly distributed across [—0.5V g3,
+0.5V, s3], and its power is given by

OSR = (5.60)

(5.61)

2
5 1 J-+0.5vsz 5 :V[SB

r Vg ¥ 0-5VLSB 12

Based on the well-known white-noise assumption of the quantization noise [64], the
power spectral density of the quantization noise is assumed to be evenly distributed
across the frequency range between —0.5f; and +0.5f;. What oversampling essentially
does from a frequency-domain prospective is to define a much smaller signal band-
width ranging between —(0.5/OSR)f; and +(0.5/OSR)f;; as a result, only a small
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portion of the noise power is included within the signal bandwidth and counted in
the calculation of SNR (for the moment we assume that the quantization noise is the
dominant source of noise in the system; hence, we may use the term SNR in place of
SQNR). Or, oversampling can be considered equivalent to stretching the quantization
noise power across the frequency spectrum (given a fixed signal bandwidth f;),
thereby reducing the noise power in the signal band.

Since the noise power is assumed to be constant across the frequency spectrum
(i.e., like a white noise), we can write the aforementioned small portion of the noise
power as the following:

% 1
2 = 5.62
P | oversampled 12 OS R ( )
Thus, from Equation (5.20) we obtain
SNR erampted = 6.02M +1.76 +101g(OSR) (5.63)

The last term in this equation represents the SNR improvement thanks to the
oversampling operation. Note that every time the OSR is doubled, the maximum
SNR will be increased by 3dB, or, equivalently, it has an ENOB gain of

0.5 bits/octave.

Nevertheless, in most cases, it is impractical to obtain a high SNR through the
straight oversampling. For instance, if it is assumed that a 1-bit quantizer (i.e., M = 1)
is used to achieve an 86-dB SNR (i.e., 14-bit), then from the foregoing equation we
can find that an OSR of about 66,374,307 will be required. If the desired Nyquist
rate is equal to 10kHz, then the required clock sampling frequency will be as high
as 663.74 GHz! As one can imagine, the sampling frequency will be amazingly high
if a 20-bit resolution is needed.

Therefore, to the practical implementation of a high-resolution data converter,
pure oversampling is not adequate, and an important architectural modification is
required to facilitate a more aggressive SNR improvement. This modification is
called noise shaping (or loop filtering), which is the topic of the next subsection.

Noise Shaping and Stability

In an oversampling data converter that is capable of shaping noise, the noise-shaping
operation is normally performed by the well-known delta-sigma (or AX) modulator,
which makes use of negative feedback(s) to suppress the in-band quantization noise
power, thereby effectively improving the SNR performance.
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u(n)

Figure 5.16 Block diagram of a AX modulator. —-G

The conceptual block diagram of a AX modulator is shown in Figure 5.16. It
should be mentioned that the additive white noise assumption [64] is adopted here as
before—that is, the quantization noise ¢ is assumed to be independent of the main
input signal # and uniformly distributed across [-0.5V g5, +0.5 V;3].

Note that in Figure 5.16, the quantizer is approximated to an adder, that is, the
inherent nonlinear characteristics of the quantization process, which were mentioned
in the discussion of the two-step ADC, are neglected here. Thus, the entity shown in
Figure 5.16 is often called the linearized model of the AX modulator.

Based on the linearized model of the general AX modulator, we can explore the
principle of noise shaping using the z-domain analysis. First, let us write the z-
domain expression of the modulator’s output Y(z) as follows:

Y(z)=STF(z)-U(z)+ NTF(z)-Q(z) (5.64)

Here, U(z) and Q(z) are the z-domain expressions of the input signal and the quantiza-
tion noise, respectively. STF(z) is the signal transfer function, and NTF(z) is the quanti-
zation noise transfer function. Solving the above equation for STF(z) and NTF(z), we
can write their corresponding expressions in terms of H(z), which are given by

Y@, H@)
STF (z)= U(Z)|Q<z)50 1+ H(2) (5.65)
Y (2) 1 |

NTF(z)=

Qo) ™ 1+ H(z)

If it is assumed that the transfer function of the loop-filter, H(z), is realized by a
delayed noninverting SC integrator—that is, H(z) = 1/(z — 1)—then we can obtain

STF (z)= %(Z()Z) =z
(5.66)
erF(Z):ﬁ(z):l—Z1

The foregoing transfer functions indicate that the main input signal is simply delayed
by one clock cycle, whereas the quantization noise power is suppressed or shaped in
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the low-frequency range (i.e., |z| — 1). A better way to understand shaping of the
quantization noise is to find the magnitude responses of the preceding functions,
which are given by

ISTF (z)|=|z""|=|cos Q- jsinQ|=1

5.67
INTF (z)|=|1- 27| =l - cos Q + jsin Q=2 (5.67)

: Q‘
sin —
2

As the preceding equations indicate, the magnitude of NTF(z) increases with the
normalized frequency €2, which is defined as € = 2xf/f,. Thus, the quantization noise
power is reduced in the lower frequency range (i.e., where € is small) and pushed to
the higher frequency domain (i.e., where € is large). This phenomenon may be
analogous to squeezing toothpaste. However, the magnitude of STF(z) is always equal
to 1; hence, the input signal is intact.

Figure 5.17 illustrates the transformation from the conceptual ADC model shown
in Figure 5.1 into a first-order noise-shaping AX ADC (the decimation filter is not
shown), and the before-and-after quantization noise power distributions.
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Figure 5.17 First-order noise shaping.
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Figure 5.18 First-order noise-shaping AX modulator using a 1-bit quantizer.

The SC realization of a first-order AX modulator is shown in Figure 5.18. Note
that for simplicity the decimation filter is not shown. Although only the single-ended
circuit is shown, in practice a fully differential configuration is required.

As shown in the schematic, the loop filter is realized by a noninverting
parasitic-insensitive SC integrator, and the quantization is performed by a two-level
comparator. As introduced earlier, the 1-bit feedback DAC is realized by connecting
either +V,,; or —V,,; to the negative input terminal, depending on the comparator’s
output.

Thanks to the first-order noise shaping, the SNR of the converter is improved.
Taking Equations (5.64) and (5.67) into consideration, we can derive the maximum
SNR of the first-order noise-shaping A~ ADC (in decibels), which is given by

SNR

1st—order

2
= 6.02M +1.76+ 30lg(OSR) - 101g(%) (5.68)

Therefore, doubling the OSR of a first-order noise-shaping modulator provides a 9-
dB increase in the maximum SNR, or equivalently, an ENOB gain of 1.5 bits/octave.
However, this improvement is still not adequate to the practical realization of, say, a
96-dB SNR (i.e., 16-bit). That is, if we assume that a 1-bit quantizer (i.e., M = 1) is
used, then from the preceding equation we can find that an OSR of about 1297 will
be required to achieve the 96-dB SNR. If the desired Nyquist rate is equal to 10kHz,
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then the resultant clock sampling frequency will reach 12.97 GHz, which is still too
high for most applications that require low power consumption.

Thus, a more aggressive noise-shaping topology is needed to achieve a higher
resolution without significantly increasing the sampling rate (or OSR). If we assume
that the AYX modulator always uses a 1-bit quantizer (we will study modulators that
employ multibit quantizers later), then the only remaining option will be to increase
the effective order (L) of the noise-shaping loop filter.

The next logical step is to build a AX modulator with the second-order noise
shaping capability. A second-order AX loop filter provides the following quantization
noise transfer function:

NTF(z)=(1-z"') (5.69)

A well-known implementation of a second-order AX modulator was reported by
Boser and Wooley [65]. The loop filter in the ADC is usually realized by two cas-
caded delayed SC integrators, with a weighted DAC feedback going into each inte-
grator’s negative input. This type of structure is often referred to as the distributed-
feedback topology.

An alternative second-order topology that consists of two forward paths and one
DAC feedback was reported by Silva et al. [66]. The basic idea is to distribute the
input signal u directly to the quantizer’s input terminal through a dedicated forward
path, so that u will be canceled out at the input of the first integrator; hence, no input
signal is passed through the two delayed SC integrators. In other words, the integra-
tors process the quantization noise only, which is assumed to be independent of u.
Therefore, the nonlinearity errors due to the signal-dependent interferences such as
the charge injection are greatly reduced.

Despite their structural differences, both of the preceding second-order topologies
share the same expression for the maximum SNR, which is given by [11][64]

V

4
SNR =6.02M +1.76 + 501g(OSR) — 10lg(?) (5.70)

2nd—order

Doubling the OSR of a second-order noise-shaping AX modulator provides a 15-
dB increase in the maximum SNR, or equivalently, an ENOB gain of 2.5 bits/octave.
In comparison with the first-order noise shaping, the OSR required for realizing a
16-bit resolution has dropped from 1297 to about 106.

To generalize, it can be found that the maximum SNR of an Lth-order noise-
shaping AYX modulator is given by
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ﬂ.ZL

SNR |
2L+1

Lth—order

:6.02M+1.76+(20L+10)lg(OSR)—IOIg( ) (5.71)

This indicates that the maximum SNR will increase with the OSR at the rate of
(6L + 3) dB/octave, or equivalently, an ENOB gain of (L + 0.5) bits/octave. To
quantify, consider a third-order noise-shaping AX modulator with a 1-bit quantizer. It
can be calculated that an OSR of only 36 is adequate to achieve a 96-dB SNR (i.e., a
16-bit resolution). Note that M is still equal to 1.

As suggested by the foregoing development, given a noise-shaping AYX modulator
with a fixed SNR specification, the higher is its loop order, the lower the required
OSR would be. However, once the loop order exceeds 2 (i.e., L > 2), the design of a
AY modulator using a 1-bit quantizer faces another challenge—that is, the modulator
may become unstable [67].

The root of the instability problem is a combination of the nonlinear characteris-
tics with respect to the 1-bit quantizer, and the magnitude response of NTF(z). It is
well known that a 1-bit quantizer outputs either +1 or —1 depending on the polarity
of the input signal, rather than on its absolute value. In other words, the quantizer is
nonlinear and provides only two output options, although the input values may vary
actively.

Recalling the magnitude of a first-order NTF(z) given by Equation (5.67) and the
linearized model shown in Figure 5.16, we can find that in a first-order modulator the
magnitude of the quantization noise ¢ is limited between —2 and +2; hence, the
quantizer’s input is limited between —3 and +3 (assuming the quantizer has a dc gain
equal to 1). In comparison, it can be shown that the magnitude of the NTF(z) in a
third-order AX modulator is given by
3 3

INTF (2)| = =8 x (5.72)

. Q
sin—
2

Zsin9
2

Now the magnitude of the quantization noise ¢ can be of any value that resides
within the range between —8 and +8, and the range of the quantizer’s input values is
thus given by [-9, +9]. Since the third-order modulator has a wider range of input
values (positive and negative) compared to that of the first-order modulator, the
former has a higher probability of generating a long string of 1’s or (-1)’s (i.e., of
being unstable) than the latter. For example, if we assume that the quantizer’s input x
are constantly changing but are somehow restricted within the positive domain (i.e.,
x > 0), then the quantizer will keep on outputting 1’s, regardless of the value of each
input. As a result, the average quantization noise power is increased continuously,
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and the SNR is degraded accordingly. Eventually, the SNR may drop to or even
below zero.

To test whether a AX modulator is stable or not, we can examine its output
sequence in the time-domain (i.e., looking for long 1’s or —1I’s). Alternatively, we can
use a spectrum analyzer or a computer with a data acquisition kit to record its output
sequence and then plot the “SNR vs. input frequency” curve using the fast Fourier
transform (FFT). If we find an abrupt drop of SNR in the curve, then the modulator
is likely to be unstable.

The design of a high-order (L > 2) and 1-bit-quantization A~ modulator with a
guaranteed stability is nontrivial, and in most cases, computer-aided design (CAD)
techniques are employed to simulate the modulator’s behavior. The simulation results
are often compared with some criteria for decision making. A widely adopted stabil-
ity criterion is often referred to as Lee’s rule [67], which states that the out-of-band
(i.e., f> 2f,) magnitude of NTF(z) should be no more than 2 to ensure stability.
However, examination of the existing practical high-order modulators (with 1-bit
quantizers) will show that this rule is only a rule of thumb—that is, sometimes a
modulator following the rule still becomes unstable when certain inputs are applied
to it. On the other hand, a number of high-order modulators disobey the rule but
indeed turn out to be stable at all times.

One point to emphasize here is that the stability of a high-order and 1-bit-quanti-
zation AX modulator is difficult to judge based on pure mathematical calculations. At
the time of this writing, the most reliable approach is to run computer-based behav-
ioral simulations using as many input options as possible. Two most convenient (in
the author’s opinion) computer programs for simulating SC AX modulators are as
follows: the MATLAB simulation toolbox written by Schreier [68] and the SWIT-
CAP program developed at Columbia University [69]. These two programs can be
used in combination, with the former determining the appropriate modulator topo-
logy and system coefficients based on the specifications and the latter performing the
switch-level simulation. Appendix 5.1 presents exemplary MATLAB and SWITCAP
source codes for simulating a fourth-order audio AX ADC.

Types of AX Modulators

Delta-sigma (AX) modulators can be roughly categorized into the following types:
low-order (L < 3) 1-bit single-stage, high-order (L > 3) 1-bit single-stage, 1-bit multi-
stage (each stage uses a 1-bit quantizer), multibit single-stage, multibit multistage
(each stage uses a multibit quantizer), 1-bit/multibit multistage (all stages use 1-bit
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Table 5.4 Summary of different types of AX modulators: a report card.

Modulator type SNR vs. SNR vs. Stability =~ DAC linearity Circuit
OSR Power simplicity

Low-order 1-bit C- C A A A
single-stage

High-order 1-bit B+ A- C A A-
single-stage

1-bit multistage B+ A- A A B+

Multibit single- A- B+ A C C+
stage

Multibit multistage A B A C C-

1-bit/multibit A- A A B+ C
multistage

Multibit/1-bit A B+ A B C
multistage

quantizers except for the /ast stage, which uses a multibit quantizer), and multibit/
1-bit multistage modulators (all stages use 1-bit quantizers except for the first stage,
which uses a multibit quantizer). Each type of AX modulator has its own share of
advantages and disadvantages. Table 5.4 summarizes the advantages and disadvan-
tages for each type. Note that the term power in the table means the total power
consumption, which accounts for both analog and digital portions of the circuit.

AX Modulators with Single-Bit Quantization

Since the late 1980s, AX modulators have been primarily used for the high-resolution
conversion of narrow-band (or low-frequency) signals, such as telephony voice recog-
nition (f, < 3kHz) and digital audio processing (f, < 20kHz). For these applications,
a high-order 1-bit single-stage topology is often preferred because the circuitry is
relatively straightforward and the resultant 1-bit feedback DAC is inherently linear
(we will discuss the nonlinearity of a multibit DAC and its impact on the modulator’s
performance later).

However, due to the aforementioned potential stability problem, the search for a
high-order, 1-bit quantization, and single-stage AX topology with a guaranteed stabil-
ity is not an easy task. Research endeavors since the early 1990s have offered a
variety of topologies. In this book, only two practically proven topologies are chosen
as the subject of the following discussion for the sake of brevity.
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Figure 5.19 Third-order DQIR AX topology.

The first topology is shown in Figure 5.19. Note that a third-order configuration
is used here as a demonstration platform, and each H(z) block is realized by a
delayed and noninverting SC integrator. In practice, the delayed integrator is often
preferred because it provides sufficient time for the op-amp to settle, thereby reduc-
ing the op-amp’s transient requirements. The structure is called the distributed-
quantizer-input-plus-internal-resonator (DQIR) AX topology for it has three
distributed forward paths that lead toward the quantizer, and one internal
resonator, which is formed by a loop consisting of two H(z) blocks and a
subtraction unit.

The internal resonator spreads two of the three NTF(z)’s zeros from dc (i.e.,
z = 1) to certain frequencies within the signal bandwidth, for reducing the in-band
noise. The system coefficients such as c;, ¢, g, and f, can be adjusted to optimize
the zero placements and minimize the in-band noise power, which is often called the
zero optimization [64][70]. After the adjustment, the resultant new NTF(z) response
looks similar to that of an inverse-Chebyshev high-pass filter. Note that the modula-
tor needs an analog summer in front of the quantizer, which is often realized by an
SC gain stage.

A fifth-order version of this DQIR modulator was reported by Sooch et al. [71],
which has five delayed SC integrators and two separate internal resonators. In [71],
the modulator is implemented as part of an 18-bit DAC. It accepts an 18-bit digital
input signal sequentially and transforms it into a 1-bit sampled-data output. A fourth-
order SC low-pass filter is placed after the modulator to attenuate the out-of-band
noise. Since the SC filter’s output is still a sampled-data signal (i.e., staircase), a
voltage buffer or smoother (shown in Figure 5.20) is needed to convert the switched-
capacitor output to a true continuous-time signal.
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The voltage buffer operates as follows. When @, = 1, the input capacitor C, is
charged to the input voltage V,,. Next @, = 1, and the previous saved charge on C; is
shared with the feedback capacitor C,. Following the charge reservation principle, we
can obtain the z-domain transfer function of the voltage buffer, which is given by

(Z) — Vout (Z) — C‘IZ_l
Vi(2) (C+Cy)-C!

It can be shown that the preceding transfer function has a dc gain equal to 1, and
a zero at infinity.

(5.73)

The second topology is shown in Figure 5.21. It was first proposed in [67] as an
interpolative modulator, and it can also be referred to as the distributed-forward-
feedback-plus-internal-resonator (DFFIR) AX topology for it has four distributed
forward paths, three distributed feedback paths, and one internal resonator. The
inclusion of the distributed forward and feedback paths brings a certain degree of
freedom in realizing the NTF(z) and STF(z) [64][70]. Similar to the previous DQIR
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Figure 5.20 Sampled-data to continuous-time voltage buffer.
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Figure 5.21 Third-order DFFIR AX topology.
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topology, the internal resonator can be used to spread the zeros and reduce the in-
band noise.

Note the second integrator in the schematic may have a high dc output voltage
level for four signals are attached to its input node. As a result, the op-amps in the
second and third integrators may become saturated, thereby limiting the dynamic
range of the overall system. Dynamic range scaling (see Chapter 4) technique is
often employed to find the optimal system coefficients for the best dynamic range
performance.

A fifth-order realization of the preceding DFFIR topology was reported by
Ferguson et al. [72], which has five delayed SC integrators and two separate internal
resonators. The reported SNR performance of the modulator is comparable to that of
the fifth-order DQIR modulator in [71].

As Table 5.4 indicates, the advantages of the single-bit multistage (or cascaded)
AX modulator include the robust stability, guaranteed DAC linearity, and good SNR
versus power consumption figure. In practice, the two often seen topologies are the
2-2 cascaded and the 2—1-1 cascaded AX topologies.

Figure 5.22 shows a 2-2 cascaded AX topology. The left part of the diagram
illustrates the analog circuitry, which is composed of two cascaded second-order 1-bit
modulators. Note that the quantization noise of the first stage (multiplied by an
interstage gain factor f)) is fed into the second stage. The right part of the diagram
shows the digital error cancellation logic. It can be proved by using the z-domain
analysis that ideally the quantization noise generated by the first stage would be
canceled, as long as the following conditions are met simultaneously [73]:

b=b,,b,=b,,a,=a,,and a,=a,+ g, (5.74)

The specific numerical values of these system coefficients can be determined by
applying dynamic range scaling on the basis of the interstage gain factor f; (i.e., set f;
to 1 and scale the others). As mentioned in Chapter 4, the task is accomplished by
scaling the system coefficients so that the maximum levels at the op-amps’ outputs
are equalized.

EXAMPLE 5.5

Analyze the 2-2 cascaded AX modulator shown in Figure 5.22 using the z-domain
analysis. Find the necessary conditions for the system to cancel the quantization
noise from the first stage, and modulate the quantization noise from the second stage

200



Switched-Capacitor Data Converters

Analog | Digital
y(n)
|
u +()_ b H@) +()_b2 H(z) J|_ : 22 +<>
ay ap |
/ |
DAC
N \ |
V |
fs
|
91 |
- |
+ b + b
D—— Ha) [~ HE) J_ (Yoot

|

ag ay | +

Yauwen 2 ol 21 D

| X2 |—
|

Figure 5.22 2-2 cascaded AX topology.

by a function of (1 — z')*. Moreover, it is required that the input signal be delayed by
z*, with a dc gain of one. Assume that each H(z) building block in the schematic is
realized by a noninverting and delayed SC integrator—that is, H(z) = 1/(z — 1)—
which has perfect settling characteristics and an infinite op-amp gain. Also, the
quantization noise is assumed to be independent of the input signal.

Solution: Let us start with the first stage in the analog section of the modulator.
Utilizing the z-domain analysis, we write the following system function:

{lU()-Y (2)a]- H(2)b ~ Y, (2)a, }- H(2) b, + E (2) = ¥ (2) (5.75)

where U(z), Yi(z), and E\(z) are the z-domain expressions for the system’s input
signal, the output of the first stage (i.e., the first quantizer’s output), and the
quantization noise generated by the first stage, respectively. After a few
rearrangements, we obtain the expression for Y(z) as follows:
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U(2)-[H ()] bb,+E, (2)
[H(Z)]2 a,bb, + H(Z)azbz +1

Similarly, we can write the system function for the second stage of the modulator
as follows:

{lE (2) i-Y,(2)a;—Y,(2) g+ E,(2) g |- H(z) by =Y, (2)a, }- H(z) b, + E, (z)
=Y,(z) (5.77)

where Y,(z) and E,(z) are the z-domain expressions for the output of the second stage
(i.e., the second quantizer’s output), and the quantization noise generated by the
second stage, respectively. Rearranging, we obtain the expression for Y>(z) as follows:

[E,(2) £+ E,(2) g,]-[H (2)] byb, + E, (2)
[H(Z)]2 bib,(a;+g,)+ H(z)a,b,+1

Thus, based on Figure 5.22, we can write the expression for the final output, Y(z),
as follows:

Y(z)= (5.76)

Yz(Z):

(5.78)

2

(1-z7) (5.79)

Y(2)=Y,(2) 27 -Y,(2)- o,

Substituting Y;(z) and Y,(z) in Equation (5.79) with the expressions given by
Equation (5.76) and Equation (5.78), respectively, we obtain the following:
e U@ TH@Ibb+E@
LH ()T a\bib, + H(2)ab, +1
E@fi+E@g] [H@Obb+E () 1
[H)  bsby (as+g)+ H(Dasb, +1  fibsb,

(5.80)

(1-z7")

To cancel the quantization noise of the first stage, E(z), from the final output
Y(z), we should design the modulator so that the following condition is met:

- _ (1-z") [H@)T
[H(2)] abb, + H(z)aby+1  [H(2)] biby(as+g,)+ H(z)ab, +1

Equating the system coefficients of z between the denominators in the preceding
equation, we obtain the following conditions:

(5.81)

{azb2 =a,b, (5.82)
a,b,b,=(as+g,)b;b,

For the system to modulate the quantization noise from the second stage by a
function of (1-z")*, the following condition needs to be met based on Equation (5.80):
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[HET bbg+1}—
fibib, I

[H(2)] byb, (a,+g,)+ H(z)ab,+1

(=)

After some rearrangements, we obtain the following conditions:

fibsb,=1
(as+8)bsb,=1
ab,=2
8&=0
Finally, for the input signal, we specify the following:
[H(Z)]2 b,b, 27 —
[H(Z)]2 abb, + H(z)a,b, +1

Thus, we obtain more conditions:

a,=1
a,b,=2

Incorporating Equations (5.82), (5.84), and (5.86) into one set of necessary

conditions, we write the following:

a=1

bb,=1
abb, =1
a,b,=ab,=2
hi=a

8=0

(5.83)

(5.84)

(5.85)

(5.86)

(5.87)

Similar to the 2-2 modulator, the 2—1-1 cascaded modulator is constructed from a
cascade of one second-order and two first-order modulators. In an ideal 2—1-1 modu-
lator, the quantization noise errors of the first and second stages are eliminated by
using the digital error cancellation logic, and the quantization noise of the third stage

(i.e., a first-order modulator) is shaped by the response of a fourth-order NTF ().

Nevertheless, cascaded AX modulators have a common drawback: quantization
noise leakage. That is, the imperfections of the analog circuitry such as the finite op-
amp gain and capacitor mismatch errors result in an incomplete cancellation of the

quantization noise that is fed into the last stage.
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In a cascaded AX modulator, the capacitor mismatch or finite op-amp gain intro-
duces gain errors to the integrators and to the feedback DACs. The gain errors are
less important to the 1-bit feedback DACs since they are always linear (they become
much more pronounced when multibit DACs are used).

However, the gain errors in the integrators are more problematic. They cause the
modulator’s noise transfer function to deviate from its desired form, thereby weaken-
ing the effect of digital error cancellation logic and causing a noticeable error
leakage in the modulator’s final output. Take the 2-1-1 modulator as an example.
Assuming that all op-amps have the same dc gain A V/V, that the maximum capaci-
tor match is A, and that the input signal is a sinusoid with a peak-to-peak amplitude
of 2V (i.e., its value ranges between —1 V and +1 V), it can be shown that the conse-
quent in-band quantization noise leakage power is given by [74]

, 1 ’ ot (2 ?
1= 4 + 2 3 + 5
6A°0OSR 2A°OSR° 150SR

2

6
4 SA) + L(i + 6A) (5.88)
A 210SR’ \ 24

Quantitatively speaking, if we assume that the maximum capacitor mismatch is
equal to 0.2%, that an OSR of 32 is employed, and that the charge injection and op-
amp offset errors are neglected, then it can be found from the preceding formula that
a dc gain of approximately 10,000 V/V, or, equivalently, 80dB will be required to
maintain a 113-dB SNR, which is the nominal SNR of a fourth-order modulator
according to Equation (5.71).

As a final note, the cascaded (or multistage) modulator cannot rely on the loop
filters to achieve a high SNR because they are only first- or second-order modulators.
Rather, the achievable SNR depends on how effectively the quantization noise errors
from the first few stages can be canceled in the digital domain. In comparison, for
the high-order single-stage modulator, the high SNR is achieved by using the high-
order loop filter that is constructed from a cascade of op-amps, which can easily
provide a high dc gain to effectively suppress the in-band quantization noise power
[75]. However, as mentioned earlier, the cascaded modulator normally has a robust
stability whereas the high-order single-stage modulator is likely to become unstable.

AY Modulators with Multibit Quantization

A straightforward solution to the noise leakage problem of a cascade AX modulator is
to use a fine or multibit quantizer in the first stage. Using a multibit quantizer signifi-
cantly reduces the in-band noise power, thereby alleviating the error leakage at the
modulator’s output.
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Another significant benefit of using a multibit quantizer is the improved SNR
versus OSR figure. Today, the fast-growing market for applications such as broadband
video processing and digital subscriber line (DSL) grows the demand for delta-sigma
ADC:s that can work across a wide signal bandwidth (from 0.5 to 5MHz) while
providing a high resolution (14 to 16 bits) [4][5][6][7]. In such cases, high OSRs (e.
g., OSR > 16) are often not desirable because the resultant high clock sampling rates
make the ADCs power hungry.

Furthermore, given a fixed loop filter (i.e., L is a constant), the lower the OSR,
the less effective the noise shaping will be, thereby decreasing the SNR. Recalling
Equation (5.71), we can find that besides OSR and L, the last parameter capable of
improving the SNR is M (i.e., the number of bits in the quantizer). Theoretically
speaking, by increasing M, we can decrease the OSR without losing much SNR;
hence, the SNR versus OSR figure can be improved.

Nevertheless, like many other circuit design scenarios, there is a price to pay. The
price is the nonlinearity error of the multibit DAC in the feedback path due to the
capacitor (if a thermometer-coded SC DAC is used) or current-source (if a
thermometer-coded current-steering DAC is used) mismatch. As shown in Figure 5.1,
a 1-bit ADC needs a 1-bit feedback DAC to extract the quantization noise, and
similarly a multibit ADC needs a multibit DAC. As mentioned earlier, the two input
levels of a 1-bit DAC can always be connected through a single straight line (regard-
less of the slope value); hence, the DAC is always linear. By contrast, a multibit DAC
has more than two levels. Thus, its linearity is not guaranteed.

As mentioned in Section 5.3, the minimum relative capacitor matching error in
standard CMOS technologies is about 0.02%, which is equivalent to a maximum
ENOB of 12 bits for an SC converter whose accuracy performance depends on the
capacitance ratios (without calibrations). Thus, if the multibit DAC in the feedback
path of a multibit ADC is realized as an SC DAC, then its accuracy cannot be better
than 12 bits unless calibrations are carried out. Very often, the feedback DAC’s
nonlinearity error is directly inserted into the first integrator of the AX modulator,
which means the DAC error is in essence a second (or auxiliary) input; hence, both
the DAC error and the main input signal are processed by the same STF(z), which
is typically a pure delay given by (z7) [64]. In other words, the AX modulator’s
output is contaminated by the unsuppressed (or unshaped) DAC error; consequently,
the AX modulator’s maximum accuracy is limited to about 12 bits as well. Appar-
ently, this is not comparable to our envisioned number, which in this case is at least
14 bits.
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As we learned in Section 5.3, there are many calibration/correction (either in the
analog or digital domain) techniques to resolve the capacitor-mismatch issues. Unfor-
tunately, most of them are not applicable (except for the correlation calibration) to AX
ADC:s because of the fundamental difference between the Nyquist-rate and oversam-
pling converters—that is, Nyquist-rate converters are memoryless, while oversam-
pling ones have memory.

One of the most widely adopted capacitor mismatch error correction techniques
appropriate for the needs of linearizing the multibit AX DAC is called dynamic
element matching (DEM) [76]. It is proposed that the nonlinearity errors (i.e., har-
monics in the output) induced by the multibit feedback DAC can be averaged or
smoothed by randomizing the selection of capacitor branches (or unit elements) in
the SC DAC, which is similar to the one shown in Figure 5.3(b). However, the
randomization tends to raise the noise floor, thereby degrading the SNR [64]. Addi-
tionally, the hardware complexity and the total power consumption are increased due
to design of the digital pseudo-random-signal generator and the multiplexers.

Another popular correction technique is called data-weighted averaging (DWA)
[77]. In the proposed scheme, the DAC unit elements are selected in a sequential
fashion. It uses a pointer to record where the previous unit element selection ends,
and it starts the next new selection from that point. In addition, the number of
selected elements during each selection is decided by the input word. For example, if
the input reads a “3,” then the next three new unit elements in the sequence will be
selected. Next, if the input is a “2,” then the subsequent two new unit elements will
be selected. This DWA technique has the advantage of shaping the DAC mismatch
errors with a first-order high-pass transfer function, hence the name mismatch
shaping [77]. However, for certain input dc values or frequencies, some tones will
still show up in the spectrum [64]. Improved but more sophisticated DWA algo-
rithms, such as bidirectional DWA [4] or partitioned DWA [6], have been developed
to remove the tones.

At the time of this writing, the most flexible unit-element selection scheme is the
tree-structure algorithm [78]. In the proposed scheme, a tree-structure digital encoder
is placed in front of the DAC’s input. The encoder consists of digital logic cells
called the switching blocks, which are organized in a tree structure. Each switching
block contains a swapping cell and a first-order random sequence generator. For
calibrating an M-bit DAC, 2" — 1 switching blocks are needed. Compared to the
DEM technique, the hardware cost for generating the randomization is reduced in
this configuration because the complex random signal generator is now disintegrated
and incorporated into each of the switching blocks.
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As a final note, although multibit quantizers have been seen mostly in cascaded
modulators so far, they can also be employed to build single-stage modulators. A
practical example is a multibit audio AX DAC that was built based on the third-order
DQIR topology shown in Figure 5.19 [79].

Note that there are many AX modulator topologies other than the ones presented
here. For example, the band-pass AX modulator is a subject of many ongoing
research activities in the community of analog and RF circuit designers at the time
of this writing, mainly due to its great potential in wireless communications. Very
often, a band-pass AX modulator can be transformed from a low-pass AX modulator
by simply replacing z in the latter’s transfer function with (—z%); consequently, the
fundamental active building block in a band-pass AX modulator is the resonator,
corresponding to the integrator in a low-pass modulator. For the sake of brevity, the
design of band-pass AX modulators is not detailed in this book. The interested reader
is referred to the literature for more information.

Appendix 5.1

This appendix presents the exemplary simulation of a fourth-order 1-bit audio AX
ADC. The target specifications of the ADC are listed in Table 5.A. Note that the
term “simplified 4"-order DFFIR” means the topology used here is a simplified
version of the DFFIR topology shown in Figure 5.21. Specifically, all the forward
paths (except for the input path that leads to the first integrator) are removed. The
source codes are as follows.

Table 5.A. Target specifications of the fourth-order 1-bit audio AX ADC.

OSR 128
Signal bandwidth 0 to 20kHz
Clock frequency 512MHz
SNR >120dB
No. of decimation 5
stages
Modulator topology Simplified 4"-order DFFIR
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PART |
% Use MATLAB codes to derive the fourth-order NTF(z) and STF(z)%

o

% MATLAB functions in Schreier’s toolbox [68] are utilized%

Clear all;

fprintf(l,’NTF Synthesis- Fourth-order modulator’)

order=4;

r=128;

opt=1; %Enable zero optimization to minimize the in-band noise
power$

H inf=2.0; %Lee’s rules%

£f0=0;

H= synthesizeNTF (order,r,opt,H_inf,£0);

[numl,denl]=tfdata(H,’v’) %The original NTF(z) in ‘zpk’ format$%

figure(l);

subplot (221);

plotPZ(H); %Plot the NTF(z)’'s zeros and poles$
title(*"NTF poles and zeros diagram’);

f = [linspace(0,0.75/r,100) linspace(0.75/r,0.5,100)]1;
exp (j*2*pi*f);

z
magH = dbv(evalTF(H,z));

subplot(222);

plot(f,magH); %Plot the NTF(z)’'s magnitude response%
axis([0 0.5 -150 101);

xlabel (*Normalized frequency (l1\rightarrow f_s)’);
vlabel(*dB’);

title (‘NTF Magnitude Response’);

grid on;

[snr_pred,amp] = predictSNR(H,r);

[snr,amp] = simulateSNR(H,r);

subplot(223);

plot(amp,snr_pred,amp,snr,’o’); %$Predict the best SNR performance%
grid on;

figureMagic([-120 0], 10, 1, [0 150], 10, 1);
xlabel (‘Input Level, dB’);
yvlabel(*SNR dB’);
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title('*SNR curve’);
s=sprintf(‘peak SNR
text(-49,15,s);

[a,g,b,cl=realizeNTF(H,'CIFB’)

DFFIR (or CIFB [68])%
b=[b(1l) zeros(l,length(b)-1)];
ABCD = stuffABCD(a,g,b,c,’CIFB’);

[H,G]l=calculateTF(ABCD);
[num2 den2]=tfdata(H,’'v’)
function matches NTF(z)%

subplot(224);

f=logspace(-3,0,200);

z=exp (21*pi*f);
magG=dbv(evalTF(G,z));
magH=dbv(evalTF(H,z));
semilogx(f,magG,’'-’,f,magH,'-");

grid on

sigma_H=dbv(rmsGain(H,0,0.5/r));
hold on;

semilogx([.001 0.5/r],
plot([.001 0.5/r],
text( 0.001,
figureMagic([le-3 0.5],

sigma_H*[1 11);
sigma_H*[1 11,’0’);
sigma_H+6,
(1, [1, [-150 101,
xlabel(‘Normailized £’);

yvlabel('dB’);

%4.1£dB\n(OSR=%d)’,

%$Realize NTF(z)

$Plot the frequency responses of NTF(z)

sprintf(‘rms gain

max(snr),r);

with the simplified

%Check whether the realized transfer

and STF(z)%

%5.0fdB’,sigma_H)); %RMS

10, 2);

title(‘Frequency response of NTF and STF');

grid on;
[ABCDs,umax]=scaleABCD (ABCD);

[as,gs,bs,cs] mapABCD (ABCDs ,'CIFB’)

coefficients to circultry%

PART Il
/*SWITCAP program*/

%$Scale the system coefficients to the

%$Assign the system

/*The capacitances are obtained based on kT/C noise requirements

[641*/
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TITLE: 1-BIT 4TH-ORDER DELTA SIGMA MODULATOR
TIMING;

PERIOD 1.95E-7

CLOCK PHI1 1 (0 1/2);

CLOCK PHI2 1 (1/2 1);

END;

SUBCKT (N1 N2 N3 N4)
DIFAMP (P1);

El (N1 O N3 N4) PI1;
E2 (0 N2 N3 N4) P1;

END;

CIRCUIT;

CpPl (3 5) 3.17;
Cp2 (7 9) 24.18;
CpP3 (11 13) 0.1;
Cr4d (15 17) 0.6;
CpP5 (19 21) 0.1;
Cp6 (23 25) 0.3;
CP7 (27 29) 0.06;
CP8 (31 33) 0.15;
CcCp9 (5 35) 3.17;
CP10 (13 37) 0.12;
Cp11 (21 39) 0.1;
CP12 (29 41) 0.04;
CpP13 (5 45) 0.15;
Cpl14 (21 46) 0.06;
CN1 (4 6) 3.17;
CN2 (8 10) 24.18;
CN3 (12 14) 0.1;
CN4 (16 18) 0.6;
CN5 (20 22) 0.1;
CN6 (24 26) 0.3;
CN7 (28 30) 0.06;
CN8 (32 34) 0.15;
CN9 (6 36) 3.17;
CN10 (14 38) 0.12;
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CN11 (22 40) 0.1;
CN12 (30 42) 0.06;
SP1 (1 3) PHII1;
SP2 (3 0) PHI2;
SP3 (5 0) PHII;
SP4 (5 7) PHI2;
SP5 (9 11) PHIL;
SP6 (11 0) PHIZ;
SpP7 (13 0) PHII1;
SP8 (13 15) PHIZ2;
SP9 (17 19) PHIL;
SP10 (19 0) PHI2;
SP11 (21 0) PHIIL;
SP12 (21 23) PHIZ2;
SP13 (25 27) PHII;
SP14 (27 0) PHI2;
SP15 (29 0) PHII;
SPl6 (29 31) PHIZ2;
SP17 (35 0) PHIL;
SP18 (35 43) PHI2;
SP19 (37 0) PHII1;
SP20 (37 43) PHIZ2;
Sp21 (39 0) PHII;
SP22 (39 43) PHIZ2;
SP23 (41 0) PHII;
SpP24 (41 43) PHIZ2;
SN1 (2 4) PHIIL;
SN2 (4 0) PHIZ2;
SN3 (6 0) PHII;
SN4 (6 8) PHIZ2;
SN5 (10 12) PHII;
SN6 (12 0) PHI2;
SN7 (14 0) PHII1;
SN8 (14 16) PHIZ;
SN9 (18 20) PHII1;
SN10 (20 0) PHIZ2;
SN11 (22 0) PHII;
SN12 (22 24) PHI2;
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SN13 (26 28) PHII1;
SN14 (28 0) PHIZ2;
SN15 (30 0) PHII1;
SN16 (30 32) PHI2;
SN17 (36 0) PHII;
SN18 (36 44) PHIZ2;
SN19 (38 0) PHII;
SN20 (38 44) PHI2;

(
(
(
(
(
(
(
(
SN21 (40 0) PHII;
(
(
(
(
(
(
(

SN22 (40 44) PHIZ2;
SN23 (42 0) PHII;
SN24 (42 44) PHI2;
SpP25 (45 0) PHII;
SP26 (45 17) PHIZ2;
SN25 (46 0) PHII1;
SN26 (46 33) PHIZ2;
SREFP1 (43 47) CMPNEG;
SREFN1 (48 43) CMPPOS;
SREFP2 (47 44) CMPPOS;
SREFN2 (48 44) CMPNEG;

YCMP1 CMPLAT (33 34 PHI1 CMPPOS);
YGl1 NOT (CMPPOS CMPNEG);

X1 (9 10 8 7) DIFAMP (1lE4);

X2 (17 18 16 15) DIFAMP (1E4); /*Use fully differential op-amps*/
X3 (25 26 24 23) DIFAMP (1lE4);

X4 (33 34 32 31) DIFAMP (1E4);

VREFP (47 0);
VREFN (48 0);

VINP (1 0);

VINN (2 0);

END;

ANALYZE NTRAN; /*Perform transient analysis with a sinusoidal

input V,, = 2 V*/
TIME 65535/2- 98306 1;
SET VREFP DC -2;
SET VREFN DC +2;
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SET VINP COSINE 0.0 1.0 20000 0 O -90;
SET VINN COSINE 0.0 -1.0 20000 0 0 -90;
PRINT V(1) V(43);

END;

END;

PART Il

%Use MATLAB codes to perform FFT analysis on the result from
SWITCAP transient analysis$

close all;

clear all;

load delsig.out; %$Load the result from SWITCAP transient
analysis$

tt=delsig(:,1);

vv=delsig(:,3);

r=128;

N=65536;

fB=ceil(N/(2*r));

£=170;

u=0.5%sin (2*pi*£/N*[0:N-1]);

v=vv(1l:65536);

t=tt(1:65536);

spec=fft((v)’.*hann(N))/(N/4);

figure(l);

plot(linspace(0,1,N/2),dbv(spec(1:N/2))); %Plot the result of the FFT
analysis$

axis([0 1 -150 0]);
ylabel('dBFS’);
snr=calculateSNR(spec(1:fB),f);
s=sprintf(*SNR=%4.1fdB\n’,snr);
text(0.5,-110,s);

PART IV

%Use MATLAB codes to simulate the behavior of the five-stage
digital decimation filter$%

clear all;

close all;

load delsigl.out; %Load the result from SWITCAP transient analysis$%
tt=delsigl(:,1);
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vv=delsigl(:,3);
v=vv(1l:65536);
r=128;

N=65536;
fB=ceil(N/(2*r));
f=floor(2*£B/3);

%Configure the five cascaded delayed discrete-time integrators (or

averaging filter)$%

a = ((32)75)*[1 -5 10 -10 5 -11;

b = [1 zeros(l,31) -5 zeros(1,31) 10 zeros(l,31) -10...zeros(1,31) 5
zeros(1,31) -11;

figure(l);

[Hw]l=fregz(b,a,65536);
plot(linspace(0.00001,1,65536),dbv(H));
axis([0.00001 1 -220 101);

x=filter(b, a, Vv);
spec=fft((x)’.*hann(N))/(N/4);

figure(2);

subplot(221);
plot(linspace(0,1,N/2),dbv(spec(1:N/2)));
axis ([0 1 -220 0]);

grid on;

ylabel(*dBFS’);
snr=calculateSNR(spec(1:£B),f);
s=sprintf(*SNR=%4.1fdB\n’,snr);
text(0.5,-100,s);

%Configure the five-tap FIR filter following the integrators%

bl=firls(45,[0 1/128 1/127 1],[1 1 0 01);

vl=resample(x,1,2,b1,10000); %Down-sample the digital output by a
factor of 32%

spec=fft((yl)’.*hann(N/2))/(N/8);

subplot(222); %$Plot the FFT curve of the averaging filter’s output$%
plot(linspace(0,1,N/4),dbv(spec(1:N/4)));

axis ([0 1 -220 0]);
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grid on;

yvlabel (*dBFS’);
snr=calculateSNR(spec(1:fB),f);
s=sprintf(*SNR=%4.1fdB\n’,snr);
text(0.5,-100,s);

b2=firls(41,[0 1/128 1/127 1],[1 1 0 01);
y2=resample(yl,1,2,b2,10000);
spec=fft((y2)’.*hann(N/4))/(N/16);
subplot(223);
plot(linspace(0,1,N/8),dbv(spec(1l:N/8)));
axis ([0 1 -210 01);

grid on;

ylabel(*dBFS’);

snr=calculateSNR(spec (1:fB),f);
s=sprintf(*SNR=%4.1fdB\n’,snr);
text(0.5,-100,s);

b3=fir2(45,[0 17128 1/127 11,[1 1 0 01);
a3=[1 zeros(1,46)];

y3=filter(b3,a3,v2);
spec=fft((y3)’.*hann(N/4))/(N/16);
subplot(224); %$Plot the FFT curve of modulator’s final output%
plot(linspace(0,1,N/8),dbv(spec(1l:N/8)));
axis([0 1 -220 0]);

grid on;

ylabel('dBFS’);
snr=calculateSNR(spec(1:fB),f);
s=sprintf(*SNR=%4.1fdB\n’,snr);
text(0.5,-100,s);

PART V

*Use SPICE code to calculate the minimum slew rate of the first

op-amp.
vclk phil 0 pulse (-1.5 1.5v 0 0.06n 0.06n 96n 195n)
velkO0 phi2 0 pulse (-1.5 1.5v  98n 0.06n 0.06n 96n 195n)

gl vi 1 VCR pwl(l) phil 0 -1 200meg 1 100

g2 1 0 VCR pwl(l) phi2 0 -1 200meg 1 100
g3 3 0 VCR pwl(l) phil 0 -1 200meg 1 100
g4 3 5 VCR pwl(l) phi2 0 -1 200meg 1 100
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cl 1 3 3.17p
c2 5 7 24.18p

.subckt slew vip vin out

gm 0 vo vip vin 1m max=1lm min=-1m

r vo 0 bmeg

c vo 0 6.2p
eb out 0 vo 0 1
.ends

x_ 1

vin

0 5 7 slew
vi 0 sin( 0 1 20ed4 0 0 0)

.tran 10n 30u

.op

.options post

.print v (7)

.END
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CHAPTER

Switched-Capacitor DC-DC Converters

6.1 Introduction

The development of switched-capacitor (SC) direct-current-to-direct-current (DC-DC)
converters is motivated by the ever-increasing demands for a small-form-factor (i.e.,
small-size and light-weight), high-conversion-efficiency, and low-cost power manage-
ment system, which is the best candidate suitable to meet the needs of continuously
shrinking portable electronic devices such as MP3 players, cellular phones, PDAs,
and so on.

Modern portable electronic devices must be powered by batteries (standard Lilon,
Ni/H, solar-cell, fuel-cell, and so on). When being used for the first time, a battery is
able to supply a full-range dc voltage. As time passes by, the battery voltage drops at
a certain rate, which is determined by the type of battery and the load current
requirement.

Strictly speaking, the battery voltage does not decrease with time linearly. In fact,
it normally decreases at a relatively slow rate before the operation time reaches a
threshold point. Once the threshold point is passed, the battery voltage drops
abruptly. For example, the nominal output voltage of a standard AA-type Lilon
battery decreases from 4.05V to 3.45V within the first 4 hours of usage time if a
200mA load current is required. Once the first 4 hours are over, the battery voltage
begins dropping with a much sharper slope, and its value is reduced from 3.45V to
2.25V within the next 30 minutes. Similar arguments apply to other battery types
such as the solar-cell battery and the Ni/H battery. Such variations in the battery
voltage will cause undesirable effects on the electronic device, therefore a DC-DC
converter is always needed to establish and maintain a constant supply voltage in the
presence of a time-varying battery voltage.
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Conventional switched-mode power supply (SMPS) circuits use inductors built
from magnetic coils to process energy and stabilize the output voltage. In some
cases, transformers are utilized either in combination with or in place of inductors,
depending on the conversion efficiency requirement and the output ripple limit.
Power conversion processed by inductors or transformers is typically very efficient
and has been adopted in many practical designs (particularly for delivering a load
current over 0.5 A) since the 1930s [1].

However, most low-cost and space-constrained mobile equipment requires inte-
gration of power supplies in CMOS ICs, which remains a challenge mainly due to
the bulky dimensions of the off-chip (or external) inductor, and the unacceptable
electromagnetic interference (EMI). Although the compact on-chip spiral inductor
[2] has been invented to facilitate the construction of fully integrated radio-frequency
(RF) filters and voltage-controlled oscillators (VCO), the resultant quality factor (Q)
is relatively low (typically less than 16) as compared to that of the conventional off-
chip inductor, for Q is roughly proportional to the square of the linear dimensions of
the inductor [2]. A low quality factor leads to a high power loss, thus the maximum
achievable conversion efficiency of a power converter using spiral inductors is typi-
cally much lower than that of a converter using external inductors. At the time of this
writing, the use of the on-chip inductor is considered less attractive to the applica-
tions of high-efficiency monolithic DC-DC converters.

As an alternative to the inductive DC-DC converter, the switched-capacitor (SC)
DC-DC converter substitutes the magnetic coils with a few capacitors and an array of
switches, making it possible to fabricate the entire converter in a single chip. In the
SC DC-DC converter, the switching array is responsible for charging and discharging
the capacitors so that a desired output supply voltage is provided to power the elec-
tronic device. Besides high integration, the advantages of SC DC-DC converters
include low fabrication cost, high switching frequency, medium-to-high conversion
efficiency, and the reduced voltage-mode electromagnetic interference (EMI).

On the other hand, SC DC-DC converters suffer from signal-dependent current
spikes mainly due to the nonzero switch on-resistance (R,,). In an ideal case, when a
perfect switch with zero on-resistance is used to charge a capacitor in an SC DC-DC
converter, the electric charge flows onto the capacitor instantaneously (while the
voltage across the capacitor changes slowly), and the resulting current waveform
consists of a sequence of impulse functions. But for a real switch with a nonzero on-
resistance, the charge cannot be transferred instantaneously; hence, the output current
waveform contains finite-pulse-width current spikes instead of zero-pulse-width
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impulses. Additionally, the value of R,, depends on the input signal, thereby
introducing signal-dependent distortions to the converter. In a word, SC DC-DC
converters suffer from current-mode EMI in the form of tones or harmonics.

Moreover, R,, dissipates energy, hence reducing the achievable conversion effi-
ciency. To minimize the power loss due to R,,, the MOS transistors, which are used
to implement the switches in an SC DC-DC converter, must be designed to have
large (W/L) ratios, where W is the effective gate width and L is the effective gate
length. This in a sense limits the degree of compactness of an SC DC-DC converter.

Finally, if the capacitors of the converter are implemented on chip, the parasitic
capacitances will also introduce a power loss, thereby further reducing the conver-
sion efficiency. Advanced process technologies that are appropriate for fabricating
on-chip capacitors with low parasitic capacitances are needed to achieve a high
conversion efficiency. However, this typically incurs a high cost; as a result, many
existing commercial SC DC-DC converters continue to use off-chip capacitors to
maintain a high conversion efficiency without losing too much integration (since the
required capacitance values are comparatively large, typically on the order of 0.1 uF,
the actual difference in linear dimensions between an on-chip realization and its off-
chip counterpart is not significant).

Types of SC DC-DC Converters

There are three basic types of SC DC-DC converters. The first two are the step-
down (or buck) converter and the step-up (or boost) converter. As the names suggest,
a step-down converter processes the input voltage with a gain less than or equal to
one, while a step-up converter has a voltage gain greater than or equal to one. The
third type is called the step-down-step-up (or buck-boost) converter, which is a
combination of the step-down and the step-up gain configurations.

Applications of SC DC-DC Converters

The SC DC-DC converter is often referred to as a charge-pump (sometimes also
called the push-pull converter) for it uses capacitors to store and transfer energy in
the form of an electric charge. SC DC-DC converters have been widely used in many
applications, including dynamic random access memory (DRAM) circuits [3],
electrically-erasable programmable read-only memory (EEPROM) circuits [4], and
phase-locked loop (PLL) circuits [5]. Since the late 1990s, they have come into wide
use for low-voltage SC circuits such as CMOS data converters.
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Chapter Outline

Section 6.2 discusses the design of a widely adopted open-loop SC step-up DC-DC
converter called the Dickson charge-pump. Section 6.3 introduces cross-coupled SC
step-up DC-DC converters, and Section 6.4 provides an overview of SC step-down
DC-DC converters. Finally, Section 6.5 introduces multiple-gain SC step-down-step-
up DC-DC converters.

6.2 Dickson Charge-Pump

Conventional Dickson Charge-Pump

Probably the most widely used step-up SC DC-DC converter in DRAM, EEPROM,
and flash memory applications is the Dickson charge-pump [6]. A five-stage Dickson
charge-pump is shown in Figure 6.1. In the circuit, six NMOS transistors and five
large pump capacitors are used as the diodes and the energy processing devices,
respectively. Here, we assume that all six NMOS transistors are identical, that the
time taken to charge each pump capacitor is shorter than the duration of @, or @,
(ie., R,,C; < 0.5T,;), and that transistor body effects and parasitic capacitances are
negligible.

The circuit operates as follows. When @, goes low (i.e., @; = 0), the voltage on
the top plate (note that the term top plate used in this chapter does not necessarily
mean the top plate of an on-chip double-poly capacitor) of the capacitor C is set to
(Va — Vi), where V,, is the power supply voltage and V,;,, is the threshold voltage of
an NMOS transistor. When @, goes high (i.e., @, = V,,), the voltage on the top plate
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Figure 6.1 Conventional Dickson charge-pump.
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of C; is set to (2V,; — Vy.,), for the voltage across C; does not change instantaneously.
As a result, the diode-connected NMOS transistor between C; and C, is turned on,
and the top plate of C, is thus charged to (2V,; — 2V};,,). Next, @, goes low and ®,
goes high (i.e., ®, = V), the top plates of C, and C; are boosted to (3V,, — 2V,;,,)
and (3V,, — 3V,,,), respectively, whereas the top plate of C; is pulled back down to
(Vaa — V). The process continues through the succeeding stages, and eventually,
the top-plate voltage of Cs is interchanging between (5V,;, — 5V,,,,) and (6V,, — 5V,,,).
After the last diode (i.e., NMOS transistor), the output voltage V,,, swings between
(5V,y — 6Vy,) and (6V,, — 6V,;,,). For example, if it is assumed that V,;; = 1.5V and
Vi = 0.5V, then theoretically V,,, would swing between 4.5V and 6 V.

In practice, there is a parasitic capacitance (C,;) between the top plate of each
pump capacitor C; (i = 1, 2, 3, 4, 5) and ground. Taking these parasitic capacitances
into account, we can find the general expression for the nominal output voltage of an
N-stage Dickson charge-pump circuit, which is given by

S VG I,T,
V t:V + dd~i i~ clk _V 61
ou dd ;( Cl- + Cpi Cl- + Cpl- thn) ( )

The expression in parentheses represents the voltage pumping gain of the ith power
stage, which is equivalent to the maximum voltage difference between the top plates
of C;and C; (i 2 1). The second item of this expression in parentheses is the voltage
variation at the output due to the SC configuration of the ith power stage (also
known as ripple) [7][8]. I, is the load current of the ith power stage. It is instructive
to mention that the magnitude of this ripple is inversely proportional to the clock
frequency (or switching frequency). That is, the higher is the clock frequency, the
smoother the charge-pump’s output voltage will be.

To simplify the analysis, we assume that all pump capacitors in the foregoing
circuit have the same capacitance value (i.e., C; = C) and the same parasitic capaci-
tance values (i.e., C,; = C,), and that all power stages have the same load current /,.
So the foregoing equation can be modified to

Vm=vdd+N( T il —V,,mj 62)
c+C, C+C,

As this equation indicates, the inherent dc voltage drop in an N-stage charge-pump is
approximately NV,,,. Given a load current at the output terminal /,, the total current
provided by V,,, I,,, flows through clock drivers into the charge-pump circuit and it
can be approximately expressed as
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I,=(N+1)-1, (6.3)

From Equations (6.2) and (6.3), we can obtain the approximate expression of the
charge-pump’s conversion efficiency, which is as follows:

1+ NC
— Voutll ~ C+CP _ N . Il’Tclk L _( N @) (6 4)
V.,  N+1 N+1 C+C, V, N+1V, '

The second item in the right part of the foregoing is the efficiency loss due to output
ripples, which is determined by the number of power stages, load current, switching
frequency, parasitic capacitance, and power supply voltage.

The last item of Equation (6.4) reflects a major drawback of the Dickson charge-
pump—that is, the threshold voltage drop across each diode-connected transistor
significantly reduces the conversion efficiency. As the number of stage N increases,
the conversion efficiency decreases. Additionally, if it is assumed that V,, is close to
Vi (€.2., Ve < 1.2V), which is often the case for ultra-low-power applications, then
the conventional Dickson charge-pump circuit cannot function properly since its
conversion efficiency would be near zero.

Improved Dickson Charge-Pumps

To compensate the inherent transistor threshold voltage drops, various modified
Dickson charge-pump circuits have been reported. One of the most noteworthy
techniques is based on the static charge transfer switches, which were reported by
Wau et al. [7]. A four-stage modified Dickson charge-pump circuit is shown in Figure
6.2. As the schematic shows, 10 NMOS transistors and five capacitors are used to
build the charge-pump. At this moment, we assume that transistor body effects are
negligible to simplify the analysis.

The circuit operates as follows. After the initial startup, the power supply voltage
V.4 1s applied to the drain terminals of two coupled NMOS devices, with the one on
top being a diode-connected NMOS transistor and the other an NMOS charge
transfer switch whose operation is controlled by the top-plate voltage of capacitor Cs,.
In the beginning, the NMOS charge transfer switch is turned off, and the top plate of
C, is charged to (V,; — Vy,,). Similar to the circuit presented earlier, when @, goes
high (i.e., @, = V), the top plate of C; is charged to (2V,; — V;;,), and the top plate
of C, is charged to 2V, — 2V,,,). Next, @, goes high (i.e., ®, = V,,), and the top
plate of C, is charged to (3V,, — 2V,,,).

228



Switched-Capacitor DC-DC Converters

1
v,
L 1 1 1 _|_
. :l: c, G :l: Cs —c, :|: Cs
(o]

Figure 6.2 Modified Dickson charge-pump.

As the top-plate voltage of C, toggles between (2V,, — 2V,;,,) and 3V, — 2V,,,),
the first NMOS charge transfer switch (from the left) is turned on, and it operates in
the active region since its gate-to-source voltage V,, = V,, >V, (assuming V,,; > Vy,,).
Consequently, the top-plate voltage of C; is charged to V,, via this NMOS charge
transfer switch. In a similar fashion, the top plates of the capacitors in the succeeding
stages will be respectively charged to 2V,,, 3V,,, and 4V,,. In other words, the diode-
connected NMOS transistors work as the preconditioning or startup devices, whereas
the NMOS charge transfer switches are responsible for the effective voltage boosting.
Additionally, it can be shown that the average charge transported by each NMOS
charge transfer switch is constant, hence the name static charge transfer switch.

Based on the foregoing observation and Equation (6.2), we can write the expres-
sion for the nominal output voltage of an N-stage Dickson charge-pump circuit
(before the last diode) that employs static charge transfer switches, which is given by

Vo= Vig + N il (65)
c+C, C+C,

As the equation indicates, this modified charge-pump configuration helps remove the

Vime-related item in both Equations (6.2) and (6.4). Therefore, theoretically the modi-

fied charge-pump is more efficient than the conventional one shown in Figure 6.1.

However, a major drawback of the preceding charge-pump is that the NMOS
charge transfer switch cannot be completely turned off after the desired charge
transfer is accomplished, resulting in an undesirable reverse charge leakage, which
reduces the voltage pumping gain. For example, in the circuit shown in Figure 6.2,
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after the top plates of C, and C, are charged to V,, and 2V,,, respectively, the first
NMOS switch (from the left) cannot be completely turned off unless the condition
Vs < Vi 18 satisfied. But here V,, = V,,;, and the foregoing condition is usually not
possible to meet. As a result, a portion of the supply voltage has to be diverted to
cover the on-voltage drop across this particular NMOS charge transfer switch,
thereby reducing the voltage pumping gain as well as the conversion efficiency.

An improved design proposed by the same researchers two years later [8] claims
to be capable of solving this problem by simply adding a pair of auxiliary NMOS
and PMOS transistors into each power stage. A four-stage example is shown in
Figure 6.3.

Let us restart from the point when the top plates of C; and C, are charged to V,,
and 2V, respectively. Consider the auxiliary PMOS transistor in the first power
stage (from the left), its drain-to-gate voltage (V,,) is approximately V,, at this
moment. Because V,, = V,, — V,, = V,, — V,,,, the auxiliary PMOS transistor will stay
in the active region as long as V,; > |V,,,|, which is true. As the auxiliary PMOS
transistor is turned on, the gate of the NMOS charge transfer switch is charged to
approximately 2V,,. In the meanwhile, the auxiliary NMOS transistor is turned off
because its V,, is approximately zero.

Next, @, goes high and ®, goes low; the auxiliary PMOS transistor is turned off
while the auxiliary NMOS transistor is turned on, for both transistors’ gates are now

[ 1
—1 Vout
L L L L J_
Vet T A e
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Figure 6.3 Improved Dickson charge-pump with auxiliary transistors.
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charged to 2V,,. In the meanwhile, the gate voltage of the NMOS charge transfer
switch remains at V,,, whereas its source voltage is changed to 2V,,, resulting in a
negative V,, of (=V,,). Therefore, the NMOS charge transfer switch is completely shut
down and the reverse charge leakage is avoided.

However, note that thus far we have not considered the impact of the body effect
or substrate effect on the operation of a Dickson charge-pump circuit. Body effect is
important especially when both NMOS and PMOS transistors are implemented in a
CMOS process that has a high substrate doping density.

The body effect phenomenon can be described qualitatively as follows. In an
NMOS transistor, when the source-to-body voltage (V;) is increased, the amount of
active electrons in the channel beneath the gate is reduced (consider the body as the
auxiliary gate of the transistor). In effect, the average channel current I, is reduced,
and the effective threshold voltage V;, is increased, for it has become more difficult
to turn on the NMOS transistor. By contrast, in a PMOS transistor, the body effect is
likely to occur when the body-to-source voltage (V,,) is large.

Now let us revisit the charge-pump circuit shown in Figure 6.3. Note that during
the charge transfer mode, the fourth NMOS charge transfer switch (from the left)
may not be turned on completely due to the body effect. The analysis is as follows.
First, from previous discussions we know that to turn on the NMOS charge transfer
switch, the following condition must be met: V,, > V;,,. Second, in accounting for
body effects, we find that the realistic threshold voltage of an NMOS transistor is
given by

Vi =V o+ 7 (Vi + 200, =210, ]) (6.6)

Here, V,;, o is the threshold voltage when the NMOS transistor’s source and body are
shorted (i.e., V,, = 0), and Yis the body effect coefficient with a unit of V2. ®; is
called Fermi potential and is approximated as 0.35V for typical CMOS processes
[9]. We then assume that V,; = 1.8V, y= 0.6, V,,, o = 0.7V, and that the required
output voltage from this four-stage charge-pump is set to about 7.0V (the maximum
achievable gain of an N-stage charge-pump is usually less than 4 due to parasitic
capacitances)—that is, V,;, = 7.0V (the substrate of the NMOS switch is tied to
ground to prevent latch-up [9]). Substituting these values into Equation (6.6), we can
calculate the value of V,,,, which is about 1.863V (i.e., V;; < V).

Therefore, in this situation, the NMOS charge transfer switch of the fourth power
stage cannot be turned on successfully. This indicates that this fourth power stage
will not function. In fact, experiments have shown that the maximum achievable
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conversion efficiency of this charge-pump topology drops abruptly when the number
of power stages exceeds five.

This performance limitation due to the body effect can be alleviated by using a
cross-coupled voltage doubler, which is the topic of Section 6.3, to boost the ampli-
tude of the clock voltage that is used to drive the final power stage via Cs [8]. Alter-
natively, this problematic NMOS charge transfer switch and the output NMOS diodes
can be substituted by their PMOS counterparts to compensate the body effect [10].
The reference offers a detailed description of the circuitry.

Furthermore, it is of practical interest to determine the minimum total capaci-
tance that will be needed to build a Dickson charge-pump, given the specified power
supply voltage (V,,), load current (/;), and clock frequency ( f.;). This total capaci-
tance value can then be used to estimate the total silicon area and power consump-
tion of the charge-pump circuit. Equation (6.5) shows that the total capacitance can
be expressed as

=NC = (C+Cp)(V0ut B Vdd)

Ctotal -
CVdd -1 1 Tclk

C (6.7)
After differentiating the preceding expression with respect to C, we obtain the
optimum value of C required for minimizing the total capacitance value [10], which

is expressed as follow:
> IC
Copt: Il +\/( I] ) + I~p (68)
Vdd clk Vdd clk Vdd clk

To get a rough feel for the number, assume that in a Dickson charge-pump that is
powered by a 2-V battery voltage, a load current of 100mA is required when the
charge-pump is operating at a clock frequency of 1 MHz. In addition, assume that the
parasitic capacitance C, is equal to 0.05C. Then the optimum value of C can be
calculated based on the two foregoing formulae, and the result turns out to be
approximately 0.1025 uF. For a four-stage converter (i.e., N = 4), the minimum total
capacitance value is thus about 0.41 uF.

6.3 Cross-Coupled SC Step-Up DC-DC Converters

Although it is straightforward to build a step-up DC-DC converter based on the
Dickson charge-pump topology, the resultant conversion efficiency is not adequate to
many applications, especially when the power supply voltage V,, is very low (e.g.,
below 1.2V). Additionally, from Equation (6.8) we find that a low-supply-voltage and
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high-load-current Dickson charge-pump circuit typically occupies a large silicon
area, which is not desirable to the design of space-constrained devices such as
hearing aids.

As the alternative to Dickson charge-pump circuits, cross-coupled SC DC-DC
converters are more appropriate for battery-driven portable applications that require a
higher conversion efficiency and a smaller silicon area. One of the earlier high-
efficiency cross-coupled charge-pump topologies was configured as a voltage doubler
(X2), which consists of four NMOS transistors, four PMOS transistors, and three
large capacitors [3]. Recently, this topology found its use in low-supply-voltage
CMOS data converters for minimizing the switch on-resistance [11]. One of the
several possible transistor-level realizations of this charge-pump topology is shown in
Figure 6.4 [12].

In this circuit, all NMOS transistors share the common substrate, which is
connected to ground, while all PMOS transistors are constructed in a common N-
well tied to a bias voltage V,,,,, which is either greater than or equal to the desired
output voltage value (2V,,). The main purpose of such a configuration is to ensure
that the PN junction between the source (in the NMOS case) or the N-well (in the
PMOS case) and the substrate is reversely biased, avoiding latch-up problems during
startup [9].

Figure 6.4 Cross-coupled charge-pump ' ¢ '
configured as a voltage doubler.

M, = Mg
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The circuit operates as follows. First, let us start with the half circuit consisting
of transistors M,, M5, Ms, and M,. When @, goes high (i.e., ®, = V), both M, and
M5 are turned on (since @, and @, are not overlapping, M, and M, are never on
at the same time), thus the capacitor C; is charged to V,,. Next, @, goes low (i.e.,
@, = 0) and @, goes high (i.e., ®, = V,,), thereby M, and Ms are turned off while
M; and M, are turned on. Ideally, V,,, would be charged to 2V,,;; hence the name
voltage doubler.

The other half of the charge-pump circuit, which consists of transistors M,, M,,
M, and My, is the opposite-phase version of the preceding half circuit, meaning the
circuit shown in Figure 6.4 is composed of two identical voltage doublers operating
in antiphase. This configuration has two major advantages. First, the effective switch-
ing frequency is doubled (similar to the double sampling concept that we discussed
in Chapter 3), which means the output filter constructed from R, and C, is effectively
clocked at 2f.;, where f.; is the system clock frequency. This feature helps reduce the
output ripples and increase the conversion efficiency. Second, the cross-coupling
configuration eliminates the need for diode-connected transistors that are required in
the Dickson charge-pump; therefore the threshold voltage drop is no longer a
concern.

However, one of the major design issues with respect to the cross-coupled charge-
pump topology is that parasitic capacitances have a direct impact on the conversion
efficiency. As a matter of fact, the power loss during the conversion cycles is mainly
due to the charging and discharging of the internal parasitic capacitors.

As developed in [12], the conversion efficiency of the charge-pump shown in
Figure 6.4 can be approximately expressed as (assuming that the pump capacitors
C=0C=0)

1
2 2
(RI+R()) +2C‘fdkﬁ0

1 1

(6.9)

=
In

1+06Cf;lk

where o- C represents the equivalent parasitic capacitance associated with each
pump capacitor. The equation indicates that the conversion efficiency is inversely
proportional to the parasitic factor «. The value of « is determined by the type of
integrated capacitors used. It can be as large as 50% if poly-metal capacitors are
used. For double-poly capacitors, the value of « is typically between 5% and 10%.
In the cases of thin oxide CMOS capacitors, the value of ¢ ranges between 10%
and 15%.
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R, in Equation (6.9) is the equivalent output resistance that is composed of the
simulated SC resistance due to the switching of internal capacitors, and the switch
on-resistance (it does not include the resistive load R)) [12][13]. To the first-order
approximation, R, can be expressed as

1 ) 1
W S < S = )

2f, (1+a)C R, (1+o)C+1

g =) Hallra) (R ( 1“) 1 60
R ] 2 Jouoy =
on W Jac Jowr =3k v aycrr, ]

where t,,, is the switching delay that includes the nonoverlapping interval (i.e., when
both clock phases are at 0 V). Note that 2f,, instead of f; is used in one of the
foregoing expressions due to the double sampling effect mentioned earlier.

From Equations (6.9) and (6.10), we can find that as long as the clock frequency
Jeu 1s below the cutoff frequency f...z the conversion efficiency increases with f.
However, once f; exceeds the cutoff frequency limit, the conversion efficiency
decreases as f; continues increasing. In other words, the practical frequency range of
the cross-coupled charge-pump circuit is limited by f.,.4

The value of ., greatly depends on the type of capacitors and the fabrication
technology. A good reference point is at about 10 MHz; it is for a cross-coupled
voltage doubler that employs double-poly integrated capacitors fabricated in a stan-
dard 0.5 um CMOS technology. In such a case, depending on the resistive load (R)),
the maximum achievable conversion efficiency ranges between 70% and 80%.

Based on the cross-coupled voltage doubler discussed earlier, a voltage tripler
(x3) [14] and a voltage quadrupler (x4) [15] have been reported. Alternatively, the
cross-coupled voltage doubler shown in Figure 6.4 can be used in combination with a
two-stage Dickson charge-pump to construct a hybrid voltage quadrupler [16].

Before we wrap up the discussion of SC step-up DC-DC converters, note that
there are many other practical circuit topologies beyond what have been investigated
here. For instance, an interesting topology called the multiple-lift SC converter was
reported in [17]. The two-lift (x2) version of this topology (called the H-bridge) has
been adopted in the design of many commercial SC voltage doublers. By simply
repeating the lower-order converters (e.g., two-lift or three-lift), one can build higher-
order converters up to 128-lift (x128) in a modular fashion. Another noteworthy
example is the pseudo-4-phase charge-pump reported by Lee et al. [18], which is
particularly suitable for ultra-high-speed applications such as flash memories imple-
mented in submicron digital CMOS technology.
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6.4 SC Step-Down DC-DC Converters

As the concept of low-power design becomes increasingly popular, many state-of-the-
art handheld device including MP3 players and cellular phones are designed to
operate at 1.5V, 1.2V, or even lower voltages (with 1 mA to 200mA total load
current). However, most standard batteries have a full-range dc voltage of at least
2.5V, and consequently, a step-down DC-DC converter is usually required to convert
such a high battery input voltage into a low constant output voltage.

A widely used conventional SC step-down DC-DC converter (with three power
stages) is shown in Figure 6.5. Note that M,—M; are typically implemented as
Schottky diodes, which prevent charge leakages while maintain the circuit’s high
speed.

The circuit operates as follows. When @, goes high and ®, goes low, the pump
capacitors C,—Cj; are charged in series by V,, through the ®; switch (near the input),
M,, and M. If it is assumed that all pump capacitors have the same capacitance
values (i.e., C; = C, = C; = C), then it can be shown that the charge that flows into
each capacitor is given by V,,C/3. Next, @, goes low and @, goes high, the pump
capacitors are connected in parallel between V,,, and ground—that is, they are
discharged simultaneously to the load through the @, switch close to the output. The
ideal output voltage is thus given by

1 d2

Vag © * * Ji +—= Vou
J Cl Rl

Mg

M,

Figure 6.5 Conventional SC step-down DC-DC converter.
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Figure 6.6 Improved SC step-down DC-DC converter.

1%
Vo idear = % (6.11)

An alternative topology with a reduced component count was reported by Harris and
Ngo [19]. A four-stage example is shown in Figure 6.6. Note that when @, goes high,
the load capacitor C; joins the three serially connected pump capacitors via the diode
M.

The circuit operates as follows. When @, goes high, the pump capacitors C,—C;
and the load capacitor C; are charged in series by V,, through the ®, switch, M,, M5,
and Mj;. Theoretically speaking, if all four capacitors are equally sized (i.e., C; = C,
= C; = C, = (), then the charge sent into each capacitor is given by V,,C/4. Next, @,
goes low. If we assume that ®,;, ®,,, and ®,; switches are turned on simultaneously,
then the ideal output voltage is V,,/4.

In practice, it is common to use a load capacitor C; several times larger than the
pump capacitor to effectively suppress the ripples in the converter’s output signal.
The larger the load capacitor, the greater the RC time constant of the output low-pass
filter will be, and the high-frequency components in the output signal (including
ripples) can be reduced more effectively. For example, assume that the capacitance
value of all four pump capacitors in Figure 6.6 is equal to 9.6 uF and the load capaci-
tance value is equal to 86.4 uF (i.e., C;=9C). For f., = 100kHz, R, =3Q, and V,, =
55V, the measured output is about 11.98 V with a maximum ripple of only 96 mV
[19].

To minimize ripples, we can control the output switches (®,;, @,,, ;) so that
they operate in a time-interleaving manner; this is a popular technique used in many
low-voltage high-current switched-mode power supplies (SMPS) to stabilize the
output voltage [20]. Specifically, for the circuit shown in Figure 6.6, when @,
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goes high, C, is discharged to the load through the ®,, switch. But the remaining
capacitors (C, and C;) are not discharged, hence their voltages are intact. Next, the
@,, switch is turned off and the ®,, switch is turned on, and C, is discharged to the
load while C; and C; are not. Finally, ®,; is on and only Cj; is being discharged to
the load. We will now look into how this interleaving configuration helps further
reduce output ripples.

Consider an (N — 1)-stage converter, if the @,;, ®,,, D3, till @,y switches in Figure 6.6
are turned on simultaneously, then input/output voltage waveforms such as those illustrated
in Figure 6.7(a) will result. As the figure shows, all pump capacitors have identical
charging/discharging patterns (see V,;), and there is a large ripple in the output voltage.

On the other hand, if ®,;, ®,,, ®,;, till O,y switches are turned on one by one,
then we obtain the voltage waveforms shown in Figure 6.7(b). In contrast to the
previous noninterleaving situation, the pump capacitors are being discharged sequen-
tially during different phases. Also, the previously mentioned ripple in the output
voltage is now chopped into pieces, resulting in a smaller average ripple.

As we saw earlier, in an SC DC-DC converter, the major cause of output ripples
is the switching of internal pump capacitors. In addition, as Equations (6.1) and (6.2)
indicate, given a fixed load current value, the average ripple magnitude (V) 1s
proportional to the product of 7;,/(C + C,), where T, is the effective switching clock
period, and (C + C,) is the equivalent capacitance per stage. It is well known that an
M-step interleaving configuration is capable of reducing 7., by a factor of M. In the
circuit shown in Figure 6.6, M is equal to 3; thus, the maximum value of V. is
reduced by a factor of 3 (e.g., 96 mV/3 = 32mV).

Furthermore, Chung et al. [21] proposed an interesting closed-loop SC step-down
DC-DC converter. The basic idea is to form a feedback loop from the converter’s
output terminal, through an RC network, to the input transistors. In effect, the input
current is controlled by the output voltage through a negative feedback, thereby
further reducing output ripples.

6.5 Multiple-Gain SC DC-DC Converters

For handheld electronic devices that are powered by rechargeable batteries, it is
desirable to have the capability of controlling multiple dc voltage gains through a
single DC-DC converter. For instance, most GSM/EDGE dual-mode cellular phones
use 3.6-V 700-mA Lithium Ion rechargeable batteries. In such cases, the battery
voltage typically drops from 3.6V down to 0.8V (i.e., the end-of-life threshold
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Figure 6.7 (a) Voltage waveforms without interleaving. (b) Voltage waveforms with
interleaving
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voltage) as the battery continues to operate without recharging, whereas it climbs up
to about 4.2V when the battery is being recharged. However, for the sake of perfor-
mance, the cellular phone normally requires a constant and stable dc voltage between
the highest and the lowest battery voltages, regardless of the recharging process. As a
result, the designed DC-DC converter must be capable of providing either step-up or
step-down gains, depending on the status of the battery voltage. Additionally, the
number of different gains (or conversion ratios) should be maximized in order to
minimize the conversion inaccuracies and maximize battery life.

A practical multiple-gain SC DC-DC converter is shown in Figure 6.8 [22]. The
circuit consists of three equal-size pump capacitors C,—Cj; (on the order of 0.1 uF)
and 12 switches. The clock scheme is slightly complicated and it is described as
follows: @, ®,, and ®; are three nonoverlapping clock phases, and (®; + @, + ®3) is
equivalent to one clock cycle, T.;. The rest of the clock phases are related to ®@;, ®,,
and @, in the following manner:

0, = ¢z,¢5 ¢%’¢6 0,

¢,=A-B-¢,+A-B-¢,+A-B-¢,,
¢s:A'B'¢1+Z'B‘¢2+A'E'¢3’
0o=A-B-¢,+A-B-9,+A-B-9,, (6.12)
¢10:C'D'¢1+§'D'¢2+C'l_)'¢3,
¢,=C-D-¢,+C-D-9,+C-D-¢,,
9,=C-D¢,+C-D-9,+C-D-¢,.

¢1ok ¢11K ¢12K l o
¢7L 0g ¢9L -
C, ‘h' C, ‘f ¢ b
*‘{ l_‘{ L
04
| )

Vag @

Figure 6.8 Multiple-gain SC DC-DC converter.
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where AB and CD are 2-bit digital (binary) control words. Note that 18 three-input
AND gates, 6 three-input OR gates, and 7 inverters are needed to realize the clock
control circuit specified in the preceding expression.

For the sake of brevity, the gain configuration of (AB = 11, CD = 10) is used
here as an example to explain the implementation of gain settings through the SC
array. When AB = 11 and CD = 10, the clock phases are arranged as follows:

0,=0s, 6= 05, 0= 0,
$;= 03, 0= 1, 9y = 5, (6.13)
¢10 ¢2’ ¢11 ¢3’ ¢12 (pl

Thus, when @, is on, there are two charge transfer paths through the SC array, which
are

{Vddaq)g—)C ,—> ¢, —>C —>¢1—>gr0und, (6.14)
Va2 ® = 05> C—> 0>V,

The first path is called the input path while the second is called the output path. As
the schematic shows, C, and C, are connected in series between V,, and ground
through the input path, whereas C; is connected between V,,; and V,,, through the
output path. Based on the charge reservation principle, we can calculate the ratio of
Vi to V4 (i.e., the conversion ratio), which is equal to 3/2.

When @, is on, there are two new charge transfer paths that are different from
the preceding, and they travel through the SC array as well. They are expressed as
follows:

{Vdda¢9—>c > 0> C, —>¢2—>gr0und, (6.15)

Via ™ 0> 9> C, > ¢y >V,
The resulting conversion ratio is also equal to 3/2.

Similarly, it can be found that when ®; is on, the conversion ratio is equal to 3/2
as well. Therefore, the combination of AB = 11 and CD = 10 sets the overall conver-
sion ratio to 3/2. The practical combinations of AB, CD, and the conversion ratio are
listed in Table 6.1. As the table indicates, only 8 out of 16 possible cases are listed.
This is because among the unlisted cases, some are equivalences of Case 4 or Case
8, while the remainders cut off the input paths altogether. Case 8, which is a special
setting with a cutoff output path, is included here because it may be useful for facili-
tating a fast power recovery once the power-saving or sleep mode is terminated [22].
However, for low-voltage and high-current applications, this configuration is prone to
latch-up problems and may cause damage to the devices.
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Table 6.1 Gain setting by AB and CD.

Case# AB CD Conversion ratio
1 10 01 1/3

2 11 01 1/2

3 10 11 2/3

4 01 01 1

5 11 10 3/2

6 01 11 2

7 01 10 3

8 01 00 0

A similar multiple-gain topology was presented in [23]. In the reported circuit,
three pump capacitors and 20 switches are used to construct an SC array that is
capable of providing seven different nonzero conversion ratios: 1/2, 2/3, 3/4, 1, 4/3,
3/2, and 2.

In addition, from the preceding development we can find that the more are the
gain options, the more pump capacitors and switches will be needed. Theoretically
speaking, with M pump capacitors and sufficient switches, one may realize up to
(2" — 1) different gain values.

Finally, note that voltage regulation is essential to an SC converter (particularly
to a multiple-gain DC-DC converter) because deviations of the converter’s output
voltage from its desired value will result in significant losses in efficiency.

One of the widely used techniques to regulate voltage in an SC DC-DC converter
is called the pulse-frequency modulation (PFM) [1]. In this regulation scheme, the
operation of the converter is controlled by a PFM control loop, which typically
consists of a reference voltage generator, a comparator, a clock signal generator (or
oscillator), and a digital gate.

The PFM control loop operates as follows. The desired voltage (V,.q) 1S gener-
ated by the reference voltage generator, and it is compared with the output voltage
(V,.) by the comparator. If V,,, is less than V.4, then the comparator outputs 1,
which opens the digital gate, and the converter is activated by the clock signal. As a
result, the SC array is clocked to boost the output voltage. On the other hand, if V,,,
is greater than V.4, then the gate is closed and the converter is idle. As a result,
the SC array stops delivering charge to the output, thereby reducing the output
voltage.
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Moreover, in such a PFM-controlled DC-DC converter, for a given load imped-
ance and a fixed conversion ratio, the duration of the idle mode will be decreased as
the load current increases, because the converter must boost the output voltage to
keep up with the increasing product of the load current and impedance. However,
under the same conditions, the duration of the active mode will be decreased once
the input battery voltage reaches a point when the resulting output voltage is equal to
or higher than the desired voltage (V,.s).- In an intuitive sense, we can say that the
switching frequency, which is reflected by the rate at which the idle mode and the
active mode interchange and has a direct effect on the output ripples and the conver-
sion efficiency according to Equations (6.1) and (6.2), depends on both the input
battery voltage and the (output) load current. This is a major drawback of PFM
voltage regulation, because the resulting output has comparatively strong tones or
harmonics in its frequency spectrum. Since the characteristics of these tones are
affected by both input and output parameters, it is difficult to remove them by linear
filtering.

Rao et al. [24] reported a possible solution to this chaotic distortion problem,
which involves incorporating a dithered first-order delta-sigma modulator with the
PFM control loop to transform the chaotic tones into pseudo-white noise, which is
easier to filter out.
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CHAPTER

Advanced Switched-Capacitor
Circuit Techniques

7.1 Introduction

The design of linear active circuits typically involves multiple tradeoffs among
supply voltage, accuracy, power, speed, and other factors. However, an all-round
design that meets all the expectations is impracticable as we are living in a wonder-
ful and yet imperfect world. Depending on the application’s requirements and the
technology available, circuit designers may choose to optimize either one of these
fundamental design aspects.

This chapter investigates two major challenges that are of immediate relevance to
modern switched-capacitor (SC) circuits. One is to design high-performance SC
circuits in the presence of a low power supply voltage (V,, < 1.5V), and the other is
to reduce the effect of the imperfections (or nonidealities) of operational amplifiers
(op-amps) on SC circuits.

Chapter Outline

Section 7.2 presents a number of low-voltage SC circuit techniques such as clock
boosting, bootstrapped switch, and switched op-amp. Then Section 7.3 explores two
accuracy-enhancement techniques suitable to desensitize SC circuits from op-amp
imperfections, namely autozeroing and correlated double sampling.

7.2 Low-Voltage SC Circuits Techniques

The Low-Voltage Challenge

Since the late 1990s, the brisk market for small-form-factor portable electronic
products—including cellular phones, MP3 players, hearing aids, and handheld
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medical testing devices—has driven the fast advancement of modern fine-line-width
submicron CMOS technologies. As CMOS device dimensions continue to shrink for
achieving higher integration densities, it is almost essential that the allowable power
supply voltage (V,,) be scaled down proportionally to guarantee the device’s long-
term reliability.

As the Semiconductor Industry Association predicted [1], along with the con-
tinual downscaling of deep-submicron CMOS technologies, the nominal power
supply voltage for most high-performance digital CMOS ICs will plummet to as low
as 0.4V by the year 2016. Also, as discussed in Chapter 1, the cutoff frequency (f;)
of an MOS transistor is increased as its effective gate length (L) is reduced. More-
over, it is known that the operating power dissipation in a digital IC primarily
depends on V,,, and the amount of power reduction is proportional to the square
of V.

Although the foregoing technological trend promises smaller, faster, and more
power-efficient digital signal processing (DSP) integrated systems in the near future,
the low supply voltage remains a fundamental restraint for the design of analog
CMOS circuits. This is mainly due to the fact that the threshold voltage of the MOS
transistor (V,;,), which is governed by the intrinsic process breakdown voltage and the
stress limit of the thin gate oxide, cannot be scaled down proportionally with V,, or
with transistor geometries.

In addition, the aggressive downscaling of the effective gate length (L) may result
in short-channel effects such as velocity saturation, in which case the relationship
between the drain current (I,) and the gate-source voltage (V,,) is after an incremen-
tally linear pattern as opposed to the square-law rule introduced in Chapter 1.

Consequently, under the low-supply-voltage and small-geometry conditions, the
majority of the classical analog design rules are no longer applicable, and the realiza-
tion of high-performance analog circuits faces two major challenges. The first
challenge is to design the type of op-amp that can provide a high voltage gain and
a high output swing in the presence of a low supply voltage, while dissipating a
minimum amount of power. The design of such high-performance op-amps is an
active research topic at the time of this writing, and some state-of-the-art prototypes
have been reported [2][3][4][5].

The second primary challenge is to drive the floating switch (i.e., the switch that is
never connected to ground or the virtual ground) when the supply voltage drops to
about the same as or less than the sum of the absolute values of the PMOS and NMOS
threshold voltages. The floating-switch problem is a primary concern to the design of
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Figure 7.1 CMOS switch problem in low-voltage applications.

low-voltage SC circuits and may be best understood with the help of Figure 7.1. As the
diagram shows, a CMOS transmission gate or CMOS switch is composed of a PMOS
transistor (M;) and an NMOS transistor (M,). Two complementary clock signals (alter-
nating between 0V and V) are used to drive the transistors. As shown in the lower-left
part of the diagram, M, rather than M, is turned on by an input signal that has a magni-
tude between [V,,,| and V,,;, while M, rather than M, is turned on by an input signal
whose magnitude is between 0V and (V,, — V;,). For an input between |V,,,| and (V,, —
Vi), both M| and M, are turned on. In low-voltage applications, it is preferred that the
level of the input signal (V,,) reside at about halfway between OV and V,,, to obtain a
rail-to-rail output swing. To successfully pass V;, through to the output terminal, we
need to make sure the following conditions are satisfied:

Vdd 2 ‘/thn + |‘/thp| (71)
The result of subtracting (V,, + |Vy,|) from V,, is commonly referred to as the head-

room. Apparently, the headroom decreases with V,,. In addition, we have known that

249



Demystifying Switched-Capacitor Circuits

the switch on-resistance is inversely proportional to the value of (V;; — V;, — V).
Thus, as V,, is reduced, the switch on-resistance is increased; so is the magnitude of
the signal-dependent error being injected to the output.

Once V,, 1s reduced to below (Vy,, + [V,|), no headroom remains and the two
transistors can never be on simultaneously, as shown in the lower-right part of the
diagram. In this situation, to maintain the input-to-output connection, we may choose
either an NMOS switch or a PMOS switch, depending on the magnitude of the input
signal. Specifically, if the input level is close to ground, then an NMOS transistor
should be used to realize the switch. By contrast, if the input level is near V,,, then a
PMOS transistor should be used.

What’s more, it can be found that the maximum allowable input voltage range
(sometimes also called the input dynamic range) is limited between OV and (V,, —
Vim) 1n the NMOS case or between |V,,| and V,, in the PMOS case. In either case,
the range is narrower as compared to the full voltage swing (i.e., from OV to V) in
the CMOS case.

In low-voltage SC circuits, particularly those with sub-1 V power supplies, a non-
full-swing input dynamic range is often the show-stopper. For example, consider a
standard 0.25 um CMOS process with the following threshold voltage values: V,;, =
0.45V and V,,, = —0.5 V. If it is assumed that V,, is equal to 0.8 V and the input is
biased at 0.4V, then the switch (be it an NMOS, PMOS, or CMOS switch) will never
be turned on because the input signal level has fallen into the “dead zone” between
0.35V and 0.5V.

Also, a narrower input dynamic range usually results in a lower signal-to-noise-
ratio (SNR), because the desired signal power is reduced whereas the total noise
power remains intact. It is known that the SNR performance of a basic SC circuit
such as an integrator is limited primarily by the k7/C noise (or sampling noise).
Therefore, to retain the SNR of a low-voltage SC integrator, we may use large sam-
pling capacitors to suppress the k7/C noise power. However, the resultant large R,,,C
time constant places a constraint on the maximum achievable speed of the circuit.
Additionally, the increase in the total capacitor area results in a higher power
dissipation.

The foregoing treatment represents a practical example of the multidimensional
tradeoff optimization that involves supply voltage, accuracy, speed, and power. If an
ideal class-B amplifier (or push-pull amplifier) is used to build the SC integrator,
which consumes zero power when the input voltage is not changing (i.e., in the
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standby mode), then it can be shown that the average power dissipation is given by
[6]
Vi

dd

P=4kT(DR) f,

(7.2)

where DR represents the dynamic range (i.e., accuracy), fy is the Nyquist signal
bandwidth (i.e., speed), and V,, is the power supply voltage. Thus, in contrast to a
digital CMOS IC whose power dissipation decreases in proportion to the square of
V.4, an analog CMOS IC may actually consume more power as the supply voltage is
lowered.

Special CMOS process techniques such as the multiple-layer masking [7] can be
used to reduce the threshold voltage of the MOS transistor. Also, the floating gate
MOSFET technique [8] and the bulk-driven transistor technique [9] were proposed to
alleviate the threshold voltage limitations. However, at the time of this writing, none
of these implementations have been readily put into mass production using standard
CMOS technologies, because they typically require extra fabrication steps, which
lead to an increased process complexity and hence a higher cost. As the result,
innovative low-voltage analog circuit design approaches that can take effect in stan-
dard CMOS devices are preferred.

Clock Boosting and Switch Bootstrapping

To ensure a rail-to-rail input/output connection without applying special process

steps for reducing the threshold voltages, we may adopt the clock boosting (some-
times also called the gate voltage boosting) approach to increase the NMOS switch’s
gate-source voltage (use NMOS switch as an example). The basic idea is to double
the clock voltage on the gate of the NMOS floating switch. The cross-coupled voltage
doubler [10] that we discussed in Chapter 6 can be used here, and its SC implemen-
tation is shown in Figure 7.2 [11].

The circuit operates as follows. The cross-couple configuration consisting of two
NMOS transistors, M, and M,, allows the capacitors, C; and C,, to be charged
alternately by the power supply voltage V,,. As shown in the lower part of the
schematic, an input clock signal with a swing of V,, is applied to C;, and it is passed
on to C, through an inverter. When the input clock signal is low, the voltage at the
top plate of C, is boosted from V,, to about 2V,,, and the PMOS transistor M, con-
ducts a boosted voltage (about 2V,,) to the gate of the floating switch (in gray shade).
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Figure 7.2 Clock boosting circuit.

When the input clock signal is high, the NMOS transistor Mj is on, turning off the
floating switch by pulling its gate voltage down to ground. To avoid latch-up, the N-
well of the PMOS transistor M, needs to be tied to a high-voltage V,;, which is
typically equal to or greater than 2V,,.

The clock boosting circuit in Figure 7.2 was applied to a CMOS pipelined ADC
reported by Cho and Gray [11]. However, generally speaking, the clock boosting
technique is not suitable for deep-submicron CMOS technologies primarily due to
the limitations of gate-oxide breakdown, gate-induced drain leakage, hot-electron
effect, and punch-through [12][13]. The critical terminal voltages of the switch such
as V,, Vg, and V,, should be kept below V,, in a given technology to ensure the long-
term device reliability. However, when a voltage doubler is used, the switch’s gate
voltage is always boosted to about 2V,,, regardless of the input signal; hence, V,,
cannot remain constant unless the input stays still. Moreover, V,, may become as
large as about 2V, in the presence of a small V,,, which is rather dangerous. There-
fore, the clock boosting circuit is not the most reliable candidate to meet the needs of

low-voltage deep-submicron CMOS devices.

To avoid the long-term reliability pitfalls, an alternative approach called the
bootstrapped switch (perhaps because the switch can support itself and does not need
a clock booster) was reported in [12]. The conceptual diagram of a bootstrapped
switch is shown in Figure 7.3. The basic idea is that an auxiliary circuit is used to
provide a constant V,; (for all levels of V;,), which has a maximum value of V,,,
thereby significantly reducing the possibility of device failure.
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Figure 7.3 Conceptual diagram of a bootstrapped switch.
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Figure 7.4 Transistor-level implementation of a bootstrapped switch.

The circuit operates as follows. When @, is on, the gate voltage (V,) is connected
to ground, so the switch is shut off. In the meanwhile, the capacitor C; is charged by
V,a- Next, @, is on and the voltage across C, builds up a step between the gate and
source terminals, resulting in a V, given by (V;, + V). In effect, V,, is always equal
to V4, regardless of the input.

Several bootstrapped switch configurations can be found in the literature

[12][14][15][16]. One of the transistor-level implementations is shown in Figure 7.4
[14].
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The circuit operates as follows. When the clock signal clk goes high, the gate of
the switch is discharged to ground through transistors Mg and M,. In the meanwhile,
capacitor C; is charged by V,, through transistors M; and M,. The switch and C, are
isolated from each other by transistors M; and Ms. When clk goes low, so does the
gate voltage of the PMOS transistor M5 (note that M, and M, form an inverter). At
the same time, both M, and M; are turned on, allowing the gate voltage (V,) to track
the input signal V;, with an offset of V,, (M; also protects V, from the input loading).
As a result, the charge stored on C, flows onto the gate of the switch through M5, and
V, becomes the sum of V;, and V.

Note that the bodies (or bulks) of M; and Ms are connected to node A, which
usually has the highest voltage in the circuit, in order to avoid latch-up [12][14]. M;
helps M, pull down the gate voltage of Mg when clk goes low, thereby increasing the
circuit’s speed. Also, it keeps the source-to-gate voltage (V,,) of Ms from exceeding
V,a for the sake of the long-time reliability. Finally, Mj is useful for preventing the
critical voltages (e.g., V,, and V,,) of M, from exceeding V,, when clk goes high, and
in practice the length of My is often made long to avoid punching-through from M5
to M, [13].

Thus, the circuit in Figure 7.4 provides a constant and stable V,,, allowing the
switch to conduct input signals within the full supply voltage range (i.e., between 0V
and V,,). Nevertheless, the effectiveness of conduction, which is typically quantified
by the switch’s on-conductance (g,), drops as the input signal level increases, due to
the body effect. As discussed in Chapter 6, the body effect tends to cause both

the effective threshold voltage of the switch and the signal-dependent switch on-

resistance (R,,) to increase.

To alleviate the body effect on a bootstrapped switch, we may permanently
connect the body of the NMOS switch to its source. However, this arrangement is
not applicable to some fabrication processes. Alternatively, we can replace the NMOS
switch with a CMOS switch as shown in Figure 7.5.

As the schematic shows, M5 and M, form the main switch, while M, and M,
forms the auxiliary switch. When clk goes low, both M; and M; are shut off, and the
body of M; is tied to the highest voltage in the circuit (i.e., V,,) through the PMOS
transistor Ms, in order to prevent latch-up. When the clock signal clk goes high, both
the main and auxiliary switches are conducting, and the body of the PMOS transistor
M; is connected to its source rather than to V. As a result, its body-to-source
voltage (V) is constantly set to zero, and the body effect is thus removed. Also, its
on-resistance is significantly lowered.
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Figure 7.5 CMOS switch configuration for bootstrapping.

In [16], a current source is used to drive a replica switch with a constant on-
conductance (g,,), and an op-amp loop is used to force the source of the replica
switch to track the input signal, thereby allowing the main switch to maintain a
constant V,,, and also, a fixed g,. As a result, the distortion caused by the input-
dependent on-resistance (R,,) is greatly suppressed. However, due to the use of active
devices such as the op-amp, this bootstrapping circuit dissipates more power as
compared to the aforementioned passive configurations, given the same power supply

voltage.

Switched Op-Amp

The essence of switched-op-amp (SOA) technique is to avoid the floating-switch
problem by simply eliminating the switch itself [17]. To understand this, let us take a
look at the circuit shown in Figure 7.6.

As we can see, the schematic shows a generic noninverting SC integrator (clock
phases are not shown), followed by a second noninverting SC integrator, whose op-
amp and integrating capacitor are not shown. It can be found that Sy, and S, are the
floating switches of the first and the second integrator, respectively. When Sy, is
eliminated (i.e., shorted), for the second integrator to retain its functionality, the
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output path of the op-amp (as shown) must be turned on/off during the sampling/
integrating phase by the switch S,; (and additional switches if any). Similarly, when
Sy 1s eliminated, the op-amp in the previous stage (not shown) should be able to be
turned on and off alternately. In other words, the op-amp should be made switchable,
hence the name switched op-amp. A simple switched-op-amp circuit is shown in
Figure 7.7 [17].

As the schematic shows, this circuit is basically a classical differential-input,
single-ended-output two-stage op-amp with two additional transistors, Ms and S,,.

T~ II ee e

s ™
T Ty o7

Figure 7.6 Conceptual diagram of switched-op-amp circuit.

¢ JHL

Figure 7.7 Simple switched op-amp.
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The transistor S,; is used to implement the switch of the op-amp shown in Figure 7.6.
When clk goes low, S, cuts off the output current path consisting of Ms and M,
preventing the stored charge on the compensation capacitor C,,,, from leaking away;
thus, it will take a shorter time to recharge the op-amp once clk goes high again.
Meanwhile, M pulls the nodal voltage at node B up to about V,,, shutting off all
three current paths driven by M;, Mg, and M,. Also, it speeds up the operation of
turning off the op-amp. The off op-amp provides high output impedance (seen from
the subsequent stage), and its output node is typically connected to a fixed voltage
reference (e.g., ground or virtual ground). When clk goes high, S, is on while Mg is
off, and the op-amp is turned on.

However, as intuition suggests, the speed of turning on/off an op-amp is not
likely to be comparable to that of turning on/off a switch, which is typically con-
structed from only one or two MOSFETs. In practice, this intuition is proven to be
correct. For a typical SOA-based analog signal processing (ASP) application, the
op-amps shall be idle during one half the clock cycle (e.g., within the integrating
phase). Thus, the overall system suffers from speed limitation due to the transient
time required for powering up/down all of its op-amps. Moreover, due to the low-
voltage and low-power constraints, the maximum achievable slew rate and gain-
bandwidth product of each op-amp are further hampered, limiting the accuracy (i.e.,
dynamic range and linearity) of the overall SOA circuit. As a result, the design of
high-speed and accurate SOA-type SC circuits remains a challenge.

An interesting technique called unity-gain-reset-op-amp [18] was reported to
tackle the aforementioned issues. In the proposed configuration, the op-amp’s
output is fed back to its negative input terminal when the subsequent integrator is
operating in the integrating phase. Thus, the op-amp is never completely turned off,
which eliminates the settling time required in the SOA circuits. Nevertheless, this
technique requires additional building blocks to avoid the potential forward-biased
PN junction problem (i.e., latch-up) [18]. Finally, it might be worthwhile to make an
experimental chip that incorporates this reset-op-amp technique in a different
CMOS process such as the silicon-on-insulator (SOI) process, which is immune to
latch-up problems.

At the time of this writing, the SOA technique has been mostly adopted to
meet the needs of applications that require modest frequency-accuracy products,
including SC filters [19][20], delta-sigma (AX) modulators [2][3][21], and pipelined
ADCs [4].
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7.3 Accuracy-Enhancement Techniques for SC Circuits

The Imperfect Op-Amp

In active analog circuits, the op-amp is perhaps the most important building block.
For example, in an SC integrator, the primary use of an op-amp is to create a perfect
virtual ground (i.e., a node with a very high impedance and a constant potential) at
its negative input terminal, ensuring a lossless charge transfer at all times. In other
words, ideally no electric charge is absorbed by the op-amp through the virtual
ground. This feature is very important to the active SC circuit that processes signals
in the charge domain. However, in reality, a lossless charge transfer around the
op-amp is not possible mainly due to op-amp imperfections including the dc offset
voltage, finite op-amp gain, and finite op-amp bandwidth.

A common effect of these imperfections is that the voltage magnitude at the op-
amp’s negative input terminal is deviated from its desired value (i.e., 0 V), meaning
that the virtual ground is degraded. In comparison with the dc offset, the finite
op-amp gain and the finite op-amp bandwidth alter the virtual ground in a more
complex fashion. Specifically, for a closed-loop op-amp with a finite gain A, the
absolute magnitude error at its negative input is approximated as (-V,,,/A,). It can be
shown that the actual transfer function of a standard noninverting and delaying SC
integrator (see Chapter 3) in the presence of a finite-gain (A,) op-amp is given by

[22][23]
Cs —j(@T)/2 | 27 o3
(Cje ] /JZSln(a)T/Z)
H(w)= ; (73)
1+1(1+ Cs j_] (Cs/Cz)
Ao 26, 2A tan (0)27")

where C; is the sampling capacitor, C; is the integrating capacitor, and 7 is the
sampling clock period. The expression in the numerator is the ideal transfer function
(i.e., with infinite op-amp gain).

If it is further assumed that this op-amp has a finite bandwidth of f,, then the
op-amp gain is given by

2r- f,

Alw)= o (74)
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Substituting A, in Equation (7.3) with the previous expression, we obtain the integra-
tor’s realistic transfer function (approximated to the first order):

(Cs) e~ i(@1/2)
H)= et S (15)
j2sin(wT/2) C,+C,
where k is given by
C.
k=mn-f,T-— 7.6
S C,+C, (76)

The interested reader is referred to the references [22][23] for the rigorous proof of
the foregoing transfer functions.

Moreover, low-frequency flicker noise (also called 1/f noise) and thermal noise
further alter this voltage. In effect, the input-referred offset voltage (V,) of an op-amp
in a CMOS technology typically ranges from 5 to 20mV [24], which becomes more
pronounced in low-voltage applications, where the inherent signal swing is reduced.

In addition to the lowered supply voltage, the continual shrinking of device dimen-
sions in deep-submicron CMOS technologies, which has caused a significant reduction
in the intrinsic dc gain of a MOSFET (usually lower than 20 dB), degrades the
effectiveness of conventional approaches (e.g., cascoding) to achieve high op-amp dc
gains. Consequently, the effect of finite op-amp gain becomes even more significant.

Autozeroing

The basic idea of the autozeroing technique is to store the low-frequency random
noise (e.g., flicker noise) and the dc offset voltage using one or more capacitors and
then subtract them from the signal at either the input or output of the op-amp [25].
Therefore, the autozeroing process requires at least two clock phases: a sampling
phase and a cancellation (or compensation) phase. During the sampling phase, the dc
offset and the flicker noise are sampled and stored on the capacitor(s), while during
the cancellation phase these stored errors are subtracted from the signal.

Razavi and Wooley [25] reported one of the simpler autozeroing methods used to
reduce the effect of the op-amp dc offset in an SC comparator. In the proposed
scheme, two different comparator configurations are provided. One is called the
input offset storage (or the closed-loop autozeroing), and its basic configuration is
shown in Figure 7.8(a). The other is called the output offset storage (or the open-
loop autozeroing), and its basic configuration is shown in Figure 7.8(b).
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The previous chapters explored several circuits such as S&Hs and data converters
that adopt the input offset storage method. Here, the description of its operation is
repeated. When @, is on, ideally the input capacitor C is charged to (V,, — V,;). Next,
®, is on, and the output voltage is thus given by V,, — V4 Vo= V..

o2

|||— _——

Note that the accuracy of this offset cancellation is determined by the open-loop
dc gain of the op-amp (A,). Specifically, in the circuit shown in Figure 7.8(a), when
@, is on, the op-amp is included in a unity-gain feedback loop, thus the voltage
magnitude at its negative input terminal is given by

Ay
A,+1

(‘/aﬁ”_‘/n)AO:‘/ni‘/n: Vo (7.7)
Next, @, is on, and C is charged to (V;, — V,). When @, is on again, the actual output
voltage is given by

1
Vu=Vu=V,tV,+e=V, +| ——V . +¢€ 7.8
out in n off in (A +1 off j ( )

0

The expression in parentheses is called the residual offset error. € is the additional
error voltage introduced by the charge injection when the ®, switch is turned off,
and it can be effectively reduced by using a fully differential configuration. As the
preceding equation shows, the residual offset error increases as A, decreases.
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In the output offset storage configuration shown in Figure 7.8(b), an open-loop
op-amp is employed as a buffer. When @, is on, the offset voltage is amplified, and
the result is sampled by the output capacitor C. Next, ®, is on, (V;, — V) is ampli-
fied, and the result is sampled by C. So ideally the output voltage on the left plate of
Cis also given by V;, = Vo + V= V.

As compared to its input offset storage counterpart, the output offset storage
configuration is typically faster due to the use of an open-loop op-amp. However, the
value of A, has to be rather small (usually less than 10 V/V), otherwise the op-amp
will be easily saturated by the offset voltage.

Generally speaking, the input offset storage configuration is a better choice when
accuracy is the fundamental aspect (e.g., in precision amplifiers, integrating ADCs,
or MDACs), whereas the output offset storage configuration is more appropriate for
applications that require high speed and low power dissipation (e.g., in comparators
or ring oscillators). In addition, both configurations have the same added benefit of

reducing the flicker noise and thermal noise that reside in the low-frequency signal
band.

A survey of the literature will show a few examples of basic SC building blocks
such as the integrator [26] and the amplifier [26][27] that use the autozeroing
technique to reduce the op-amp’s offset and low-frequency noise.

Correlated Double-Sampling

Although the autozeroing technique is very effective in reducing the effect of the dc
offset and the flicker noise, it does not alleviate the SC circuit’s dependence on the
op-amp dc gain (A,), as reflected by Equation (7.8). This finite op-amp gain issue is
especially problematic in low-voltage applications that require a high accuracy.

The correlated double-sampling (CDS) technique can be considered a general-
ization of the autozeroing technique. In a typical CDS configuration, after the first
sampling acquires the amplifier’s offset and noise, a second sampling is carried out
during the compensation phase to acquire the instantaneous value of the magnitude
error at the amplifier’s negative input terminal. In the aforementioned autozeroing
configuration, this magnitude error is assumed to be a dc signal (i.e., constant),
which is not applicable to the situation where the effect of finite op-amp gain needs
to be taken into account. The CDS scheme requires two sampling operations in each
clock cycle. In effect, the correlation properties of adjacent signal samples are
exploited and utilized to desensitize the circuit’s accuracy from the amplifier’s dc
gain [28].
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The CDS technique can be roughly categorized into three groups: offset-compen-
sating CDS configurations where only the dc offset and in-band random noise are
eliminated (i.e., autozeroing), gain and offset-compensating CDS configurations
where the effect of finite op-amp gain is reduced in addition to offset and noise, and
predictive CDS configurations with gain and offset compensation where prediction is
incorporated into each CDS operation to provide a preliminary approximation of the
finite gain error that will occur during the next clock interval.

A gain and offset-compensated SC amplifier is shown in Figure 7.9 [29].
Although a single-ended configuration is shown here for simplicity, in practice the
fully differential version [30] is usually adopted to minimize the charge injection
errors. Here, we assume that the op-amp has a finite gain of A, and an input dc
offset of V.

By inspection, we recall that this circuit was used in the DAC shown in Figure
5.3(b). As mentioned before, a small deglitching capacitor is often connected
between the output (V,,,) and the left-hand side of C;, which creates a feedback path
to reduce spikes during the intervals when no clock phase is on.

The circuit operates as follows. When @, is on, C, samples the voltage difference
between the circuit’s input (V;,) and the op-amp’s negative input terminal (V,), while
C, is charged to the instantaneous signal voltage value at V,, and C; is the feedback
capacitor. Next, @, is on and the charge stored on C; is transferred onto C,, whereas
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Figure 7.9 Offset and gain-compensated SC amplifier.
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C; samples the instantaneous value of V,,, and holds it till ®; is turned on again,
which is equivalent to placing an S&H after the amplifier’s output.

Although mathematically interesting, the derivation of the circuit’s transfer
function based on charge equations is rather tedious and only the result [29][30] is
presented here:

-1/2
H(Z)= Vout(z) — Cl az

— 79
V() C1-b: "
where a and b are respectively given by
1 ( C+C, )
a= | 1= ,
1+C1+C2 ACi+Ci+C,+ G,
GA,
CI+C2.(C2+C3+ Clcz) (7.10)
b — AO AO
(C2+ C1+C2)'(C3+ C1+C2+C3)
AO AO

As the preceding indicates, this circuit is a noninverting and integrating SC amplifier
with a delay of one half clock cycle. Note that the op-amp dc offset voltage (V,) has
no effect on the preceding transfer function.

In low-frequency applications such as audio, z is approximately equal to unity,
and the previous transfer function can be simplified to

V., C a _cl(l_c1+cz)

H(l)=-ow ==t 9 _ =1 s
V. C,1-b C,\ C,A2

in

(7.11)

The second term in parentheses is the normalized gain error caused by the finite
op-amp gain. In comparison with Equation (7.3), we find that the magnitude of the
gain error is inversely proportional to the square of A, rather than to A,. Therefore,
the SC amplifier’s dependence on op-amp gain is significantly reduced.

The inverting and nondelaying version of this SC amplifier can be realized by
simply operating the two switches near V;, using the clock phases in parentheses
(Figure 7.9). As a result, there is a sign inversion from V;, to V,,,. Also, when @, is
on, there is no specified delay between the input and output samples; hence, C; is no
longer able to fulfill the role as an output S&H. In such a case, the amplifier’s output
needs to be followed by a dedicated S&H if the subsequent device requires a steady
input signal (e.g., an ADC). It can be shown that the low-frequency input-output
relation of the inverting amplifier is given by [29]
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C C,+C
H(l):——‘-(l— o j (7.12)
C, C,A;+C +C,

Interestingly, the normalized gain error is slightly different from that given by Equa-
tion (7.11). Unfortunately, the circuit in Figure 7.9 has a major drawback in that it is
not suitable for high-speed/high-frequency applications. This is mainly due to the
time taken for the op-amp to catch up with the voltage variations at its negative input
terminal (V) in the presence of a fast-varying input signal. In fact, all the CDS
techniques that we have discussed thus far are referred to as the narrowband-CDS
techniques since they are effective in suppressing op-amp related errors in the low-
frequency range, rather than in the medium or high-frequency range. It has been
reported that the finite op-amp bandwidth is not a big concern to SC filters that
require low-to-medium quality factors [23]; however, its effect weighs in for higher-
frequency devices such as video ADCs.

To overcome this limitation of speed without losing the benefit of accuracy
enhancement provided by the CDS configuration, additional capacitors or building
blocks can be used to predict and save the potential error introduced by op-amp
imperfections (e.g., offset, finite gain, and finite bandwidth). And then the predicted
error voltage can be eliminated by the CDS switching of capacitors. A few examples
of basic SC circuits such as amplifiers, unity-gain buffers, and integrators that make
use of predictive-CDS (or wideband-CDS) techniques can be found in the literature
[31][32][33].

Figure 7.10 shows an inverting SC amplifier that incorporates the predictive-CDS
technique [32]. It shows that there are a total of 12 switches and five capacitors in
the circuitry. The main capacitors, C; and C,, are in the amplification path, meaning
that they are responsible for amplifying the input signal. The auxiliary capacitors, C,
and Cs, are in the prediction path, meaning that they are used to predict the error
introduced by op-amp imperfections. To make the prediction as accuracte as
possible, C, and Cs are normally chosen such that Cy/Cs = C,/C,. The storage
capacitor, Cj, 1s used to save the predicted error, and its capacitance value is not
important [32] but is usually kept small.

The operation of the circuit is as follows. When @, is on, the prediction path
performs a preliminary amplification, and the resultant uncompensated output signal
generates an error voltage at the op-amp’s negative input terminal, which is given by
(=VoulAg + V). In the meantime, this error voltage is sampled by the storage capaci-
tor Cs. Next, @, is on, the amplification path consisting of C; and C, performs a
main amplification to generate a valid output voltage using the left plate of C; as the
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error-compensated virtual ground. As the name indicates, the present error voltage
at the original virtual ground (i.e., the op-amp’s negative input) is compensated by
the predicted one that is saved across Cs.

Larson and Temes [31] reported an alternative to the preceding configuration, and

its improved version is shown in Figure 7.11 [33]. This is also an inverting amplifier
that uses the predictive-CDS technique as the foregoing, but it requires only eight
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Figure 7.10 SC amplifier using the predictive-CDS technique.
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Figure 711 Predictive-CDS compensated SC amplifier using four capacitors.
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switches and four capacitors besides the op-amp. As before, C; and C, are the main
capacitors, while C; and C, are the auxiliary capacitors, and C;/C, = C,/C,.

This circuit can be considered the result of modifying the previous circuit (Figure
7.10). The modification involves two changes. One is to merge the storage capacitor
C; into Cy, and the other is to simplify the switching configuration in the prediction
path. In addition to the area and power saved through the switch sharing and the
capacitor reduction, these changes give rise to a more aggressive compensation
(especially in the low frequency range) as compared to the previous configuration in
Figure 7.10. The high effectiveness of compensation in the low frequency domain
may be attributed to the similarity between this circuit and the SC amplifier shown
in Figure 7.9, which provides perhaps the most aggressive narrowband gain error
compensation.

In summary, assume that the op-amp used in an SC amplifier has a finite dc gain
of A, and that the realistic gain of the SC amplifier is expressed as:

Greal = Gideal (1 - E) (713)
where E is the normalized gain error. Under the condition of z = 1, for an autozeroed
SC amplifier that adopts no gain error compensation, the gain error is given by
_ 1[Gl
=

E (7.14)

For the same SC amplifier that incorporates the narrowband-CDS technique (refer to

Figure 7.9), the gain error is given by

1+ |Gideal |
A2

If the SC amplifier uses the wideband-CDS technique (refer to Figures 7.10 and 7.11)

to reduce the sensitivity to op-amp imperfections, then the resulting gain error is
given by

E= (7.15)

_ (+[Guu)”

E 2
Az

(7.16)
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CHAPTER

Design of SC Delta-Sigma Modulators for
Multistandard RF Receivers

8.1 Introduction

Since the mid-1990s, the fast-growing mobile communications market has dramati-
cally increased the number of subscribers to second-generation (2G) digital cellular
and cordless telephony systems such as the Global System for Mobile Communica-
tions (GSM) and the Digital Enhanced Cordless Telecommunications (DECT),
which were originally specified to provide an increased system capacity in compari-
son with the first-generation analog systems such as the Advanced Mobile Phone
System (AMPS). Since 1999, the enormous demand for short messaging and mobile
multimedia services has been the driving force for revising the existing wireless
communications standards and infrastructures. The envisioned outcome is a universal
system capable of supporting the third-generation (3G) or pre-3G standards, which
include the Enhanced Date rates for GSM Evolution (EDGE), the Wideband Code
Division Multiple Access (WCDMA), the Code Division Multiple Access-2000
(CDMA-2000), and the newest member of the 3G family: Time Division Synchro-
nous Code Division Multiple Access (TD-SCDMA). Figure 8.1 sketches the mobile
cellular technology roadmap [1].

However, a complete transition from 2G to 3G in a short period of time is not yet
feasible, considering the vast volume of existing 2G services and the infrastructure,
time, and capital expense needed to achieve competent quality and popularity for a
ubiquitous 3G wireless system. To make use of both 2G and 3G standards and
services during this transition period, quite a few research efforts have been made to
create wireless transceivers that can provide multiband and multistandard perfor-
mance capabilities [2][3][4][5][6][7].
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Figure 8.1 Mobile cellular technology road map.

The Multistandard Challenge

Accommodating multiple standards in a monolithic radio-frequency (RF) transceiver
tends to significantly increase the circuit complexity in both the RF and baseband
portions, resulting in a lower integration and a higher power consumption. The
transition from single-standard to multistandard is nontrivial. It requires a complete
reconsideration of the RF front-end and baseband circuitries. At the time of this
writing, the successful implementation of a high-quility multistandard RF IC is
widely regarded as one of the most challenging design tasks.

One notable challenge lies in the design of low-powered and small-sized analog-
to-digital converters (ADCs) capable of digitizing the desired small signal in the
presence of multiple blockers and carrier frequency components, which have a large
signal power. To reduce cost and size, in most modern monolithic RF receivers the
conventional high-Q discrete surface acoustic wave (SAW) filters are often substi-
tuted with low-Q integrated antialiasing filters. Consequently, the neighboring strong
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blockers are not attenuated to the satisfaction of the conventional filtering standards,
and the desired small signal is often submerged by these insufficiently attenuated
blockers. Therefore, the ADC must have a high dynamic range, otherwise the signal
will hardly be detected.

Among the plentiful ADC architectures that we have seen so far, pipelined and
oversampling delta-sigma (AX) ADCs are the two best candidates for the analog-to-
digital interfaces in a wireless receiver. It is well known that pipelined converters are
suitable for applications requiring high conversion rates and medium-to-high resolu-
tions. However, as mentioned in Chapter 5, pipelined converters (among other
Nyquist-rate converters) are sensitive to analog component mismatches. As the result,
sophisticated calibration/correction circuitries are often required if resolutions higher
than 12 bits are desired, which means the circuit complexity as well as power con-
sumption will increase significantly. Although a few 15-bit pipelined ADCs with
wideband capabilities have been reported [8][9], they are still inadequate to satisfy
the stringent power consumption and size requirements of most modern RF receivers.

In comparison with pipelined ADCs, oversampling A~ ADCs are much less
sensitive to analog component mismatch as long as the oversampling-ratio (OSR) is
sufficiently high, because it trades more digital signal processing for a relaxed analog
circuitry. Hence, given the same resolution and speed, its analog portion typically
consumes less power than that of a pipelined ADC.

Additionally, in a AX ADC, the neighboring blockers and quantization noise are
shaped out-of-band in the same fashion, and the decimation filter following the AX
modulator can be used in combination with the digital selective filter and the base-
band mixer to attenuate the quantization noise as well as adjacent radio blockers.
Furthermore, by choosing different clock sampling rates (i.e., different OSRs), the
same AX ADC architecture can adapt to different signal bandwidth, dynamic range,
signal-to-noise ratio (SNR), and linearity requirements that are specified by different
wireless standards [10].

AY. Modulator for Multistandard RF Receiver

This chapter presents the top-down design of a pair of quadrature complex third-
order AX modulators for a low-power multistandard RF transceiver [1]. The design
of the RF transceiver targets the performance suitable to support three widely
adopted wireless communications standards: Global System for Mobile Communica-
tions (GSM), Wideband Code Division Multiple Access (WCDMA) and Digital
Enhanced Cordless Telecommunications (DECT). As we will see later, the reception
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Table 8.1 Summary of each modulator’s performance.

Wireless standards
Receiver architecture
Sampling scheme

GSM/WCDMA/DECT
Digital high-IF
IF-sampling

OSR 192 (GSM), 24 (WCDMA) and 64 (DECT)
Dynamic range (dB) 87 (GSM), 69 (WCDMA) and 74 (DECT)

SNDR (dB) 80 (GSM), 55 (WCDMA) and 65 (DECT)

SNR (dB) 83 (GSM), 56 (WCDMA) and 67 (DECT)

IP3 (dBV,s) —27.5(GSM), —19.4 (WCDMA) and -16.8 (DECT)
Total capacitance (modulator) 6.30pF

Capacitance spread 24:1

Reference voltage 1.25V

Supply voltage 2.5V

Technology 0.35-um CMOS Double-Poly

part of the RF transceiver (i.e., the receiver) is implemented based on the high-IF
super-heterodyne (or digital high-IF) architecture [11].

In this design, two identical low-pass AX modulators are used to fulfill the
requirements placed by the RF receiver. Table 8.1 summarizes the measurement
results of each AX modulator.

Chapter Outline

This chapter is organized as follows. Section 8.2 provides an overview of different
RF receiver architectures and a brief description of IF sampling with a pair of
quadrature complex low-pass AYX modulators. Section 8.3 describes the system-level
design of the AX modulators. The results of computer-based behavioral simulations
are also presented in this section. Section 8.4 details the circuit implementation of
the AX modulators. Section 8.5 presents the measurement results. Section 8.6 con-
cludes the chapter and offers a few comments for future work.

8.2 Receiver Systems

Figures of Merit

The key figures of merit (FOM) relevant to the design of RF receivers include sensi-
tivity, selectivity, linearity, and dynamic range.
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Sensitivity 1s defined as the lowest possible signal power that an RF receiver can
detect in the presence of electronic noise, given a specified signal-to-noise ratio
(SNR). An alternative representation of sensitivity is called the minimum detectable
signal (MDS) [12][13].

Selectivity represents the RF receiver’s capability of distinguishing a desired
small signal in the presence of strong adjacent interferers and blockers. In most
cases, the channel band-pass filter (centered at the IF) dictates the receiver’s selectiv-
ity [12]. It is also dependent on the quality factors of the RF front-end components
(e.g., the low-noise amplifier and the first mixer).

Linearity represents the receiver’s capability of suppressing the intermodulation
products. In practice, the third-order intercept point (IP3) measurement is often
adopted to test the linearity performance of an RF receiver. In such measurements,
two sinusoids with frequencies adjacent to that of the desired signal are fed into the
receiver, then the harmonics (second-order and third-order) in the output are mea-
sured. The I-dB compression point, at which the signal’s power gain is 1dB short
from the ideal point, is an alternative figure to IP3 with respect to the linearity
performance of an RF receiver.

Dynamic range (DR) is defined as the difference in decibels between the largest
possible and smallest possible input voltages that the system is capable of processing.
DR can also be interpreted as the ratio of the largest to the smallest possible output
signals, given a specified SNR range. The lower limit of dynamic range is normally
determined by the sensitivity requirement, while the upper limit depends on the
receiver architecture and may vary. The spurious-free-dynamic range (SFDR) and
the blocking-dynamic range (BDR) are the two often seen FOMs in relation to DR.

Conventional Super-Heterodyne Receiver

The conventional super-heterodyne receiver shown in Figure 8.2 has been widely
used in the wireless industry since its conception in 1917. One of its most significant
applications is for handsets for mobile communications systems. In this receiver, the
RF signal received by the antenna is filtered by an antialiasing RF filter, and the
resultant output is amplified by a low-noise amplifier (LNA). The design of the LNA
is critical because in most cases, it dominates the overall noise figure (NF) and
dynamic range (DR) of the complete RF receiver. Excellent selectivity and sensitivity
can be attained by choosing a relatively high IF frequency, and highly selective (or
sharp) RF and IF filters. Additionally, if a high IF is chosen, then the selectivity
requirement of the image-rejection (IR) filter will be lessened. The super-heterodyne
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receiver is insensitive to the dc offset and LO (local-oscillating) leakage thanks to
the fact that it employs the two-step down-conversion scheme [12][13]. However, due
to the difficulties of integrating high-performance (e.g., high-Q) RF, IF, and IR filters
in commercially available CMOS processing technologies, they normally have to be
realized by using off-chip discrete components, making the receiver inappropriate for
size-sensitive applications that typically require a monolithic realization [2].

Zero-IF (Direct-Conversion) Receiver

Figure 8.3 shows the zero-IF (or direct-conversion) receiver. The zero-IF receiver is
the result of eliminating the external IR and IF filters from the foregoing super-
heterodyne receiver; thus, it is suitable to meet the small-form-factor requirements. In
this receiver, the LO and RF carrier frequency are identical, meaning that the IF
frequency is equal to zero (hence the name zero-IF receiver). In addition, since the
entire RF signal band is directly down-converted to the baseband, the receiver is
immune from the image interferences. Despite the promising feature of small-size

AAL and ADC

RF Filter | LNA || IR Fitter IFFiter —{ | =/2

Q

R)—{mannoc]

LO, LO,

Figure 8.2 Super-heterodyne architecture.
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Figure 8.3 Zero-IF (direct-conversion) architecture.
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design, the zero-IF receiver has several drawbacks. One is the time-varying dc offset
or shift due to the imbalances in phase and amplitude between I and Q paths, which
introduces both nonlinearity and phase error to the recovered baseband signal. The
other is the self-mixing between the original and leaked LO signals, which may jam
the receiver and make it act like an oscillator [14]. Moreover, because the zero-IF
receiver adopts a one-step frequency transition, a wideband and low-phase-noise
frequency synthesizer is usually required to provide precise LO frequencies for
accurate channel selections. Hence, building such a high-performance frequency
synthesizer from the low-Q integrated passive components is often considered one of
the biggest challenges in the design of a zero-IF receiver. Finally, the dynamic range
(DR) requirement of the baseband ADC is nontrivial to meet because the input
signal does not experience much prefiltering before it enters into the ADC. In fact, it
is known that the zero-IF receiver places the most stringent DR requirement on the
ADC in comparison with other standard RF receiver topologies.

Low-IF Receiver

The idea of on-chip band-pass filtering perhaps led to the invention of the low-IF (or
the single-conversion) receiver, which is shown in Figure 8.4. In this receiver, the IF
is chosen at a relatively low frequency (typically hundreds of kHz) instead of dc. As
the result, the dc offset and low-frequency noise (e.g., flicker noise) problems are
alleviated. In addition, compared to the zero-IF receiver, the low-IF receiver trades a
pair of high-selectivity band-pass filters for the relaxed dynamic range requirements
on the baseband ADCs. However, since the low-IF receiver also employs a one-step
down-conversion scheme, it still requires a wideband frequency-synthesizer with the
precise tuning capability.

RFFiter |—>f tna | w2

LO

Figure 8.4 Low-IF architecture.
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Wideband IF Double-Conversion Receiver

The wideband IF double-conversion (WIFDC) receiver shown in Figure 8.5 employs
a two-step down-conversion scheme similar to that of the conventional super-
heterodyne receiver. The essential difference between the WIFDC and the super-
heterodyne receivers is that in a WIFDC receiver, the second LO frequency (rather
than the first LO frequency as in the super-heterodyne case) is programmable and
can be used to select the desired signal channels. In comparison with the zero-IF
receiver, the WIFDC receiver mitigates the errors due to the LO self-mixing by
choosing non-zero IFs. Compared to the low-IF receiver, the WIFDC receiver avoids
the trouble of designing a wideband frequency-synthesizer because only low (on the
kHz level) LO frequencies are generated. Also, this receiver circumvents the need for
a pair of high-Q band-pass filters. As the schematic shows, the WIFDC receiver
employs a two-step down-conversion scheme, so image interferences are inevitable.
To alleviate the imaging problems, four mixers operating at low-medium frequencies
(on the order of 100kHz) are used in the second down-conversion stage [5], resulting
in a high power consumption and a complex circuit design.

Digital-IF Receiver

The fast advancement of complementary metal-oxide semiconductor (CMOS) tech-
nologies has enabled the successful implementation of smaller and faster digital ICs
that consume very little power. What this means to the design of modern RF receiv-
ers is that the circuitries performing the IF-to-baseband down-conversion and the

LPF

RF Filter |+ INA | | w2

AAL and ADC

LPF

LO,

LO,

Figure 8.5 Wideband IF double-conversion architecture.
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channel selection should be pushed to the digital domain if a low-power and high-
speed receiver is envisioned.

An additional benefit of an early digitization to an RF receiver is the flexibility
or programmability. The closer the analog-to-digital interface is to the antenna, the
more conveniently the receiver can be programmed to adapt to different wireless
standards (also known as the multistandard adaptability).

To facilitate the early digitization in an RF receiver, the analog-to-digital conver-
sion should be applied at either the RF or the IF. Apparently, the idea of RF sam-
pling is impractical in most cases because an ADC with such a wide bandwidth (on
the gigahertz level) is nearly impossible to build in a CMOS process. The only
appropriate choice is the IF-sampling scheme (i.e., the digitization is performed
around the IF). A survey of the state-of-the-art design works will show that the IF-
sampling scheme has been adopted in super-heterodyne receivers [15][16][17], low-IF
receivers [18][19], and zero-IF receivers [6][7].

In the ADCs that require IF-sampling, AX modulators are often chosen for three
reasons: (1) as mentioned earlier, AX modulators are less sensitive to component
mismatch as long as the OSR is sufficiently high; (2) AX modulators’ inherent pro-
grammability is a requisite for a multistandard RF receiver; and (3) AX modulators
shape quantization noise and adjacent blockers simultaneously, thereby circumventing
the need for highly selective baseband filters.

IF-sampling operations may be performed at either low IFs (on the order of
100kHz) or high IFs (between 75 MHz to 150 MHz), depending on the application’s
requirements and the chosen receiver architecture. However, the high-IF sampling
is a more appropriate candidate to meet the needs of current and emerging multi-
standard RF receivers [4][7][11]. It can be found that the high-IF sampling signifi-
cantly reduces the selectivity requirements for the front-end RF and IR filters,
thereby allowing for a smaller-size RF front-end circuitry. In addition, the high-IF
sampling alleviates the imaging problems because the IF is at least 10 times higher
than the desired signal cutoff frequency.

Recently, an aged receiver architecture called digital high-IF has found its
renewed use in the mobile communications applications [11][13][16][17][18][19][20].
The general block diagram of a digital high-IF receiver is shown in Figure 8.6.

As the schematic shows, the IF-to-baseband section is split into two conversion
paths (7 and Q branches), and the signal fed into each path is clocked at half the
effective sampling rate f; (i.e., double sampling). As a result, the power consumption
is largely reduced compared to that of a full-rate clocking configuration.
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Figure 8.6 Digital high-IF architecture.

However, as we will see later, the double-sampling SC integrator shown in
Figure 3.4(c) is not used in this design, because halving the clock rate is performed
outside the AX modulators by the samplers and mixers [11]. In other words, standard
SC integrators such as those shown in Figures 3.4(a) or (b) can be used in the AX
modulators.

Note that the two-path structure shown in Figure 8.6 is equivalent to a single
path built on one band-pass modulator, which is clocked at the full sampling rate f;
and followed by a digital mixer [17][21]. Band-pass AX modulators are typically
immune to low-frequency flicker noise and dc offsets. In addition, because the
quadrature mixing is performed digitally after the band-pass AX modulation, the
accuracy of the mixer is independent of analog component imperfections.

However, in comparison with the IF-sampling approach of using a single band-
pass modulator, the configuration of two low-pass modulators in a quadrature fashion
greatly reduces the circuit complexity because both the modulator order and the
effective clock sampling rate are reduced by a factor of 2. Also, the stability of an
Lth-order low-pass modulator is easier to control than that of a (2L)th-order band-
pass modulator [22][23].

In this chapter, two identical low-pass AX modulators (one is 90 degrees out of
phase with respect to the other) are employed to perform IF sampling for the multi-
standard RF receiver. Figure 8.7 illustrates the ideal noise transfer functions (NTF)
for the GSM and the WCDMA standards, respectively.

The GSM standard requires a signal bandwidth for each channel (or channel
bandwidth) equal to 200kHz, whereas the WCDMA standard typically requires a
channel bandwidth as high as 3.84 MHz. Note that in either case (GSM or
WCDMA), the NTF shown in the diagram is the result of combining the NTF of the
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Figure 8.7 IF Sampling: NTFs for GSM and WCDMA.

low-pass modulator in the I-branch with its flipped-over version (90 degrees out of
phase)—that is, the ideal NTF of the low-pass modulator in the Q-branch.

Modulator Specifications

The specifications of the AX modulators highly depend on the selectivity, sensitivity,
linearity, and dynamic range requirements for the multistandard RF receiver. Table
8.2 summarizes the radio specifications of the multistandard RF receiver
[24][25][26]. The next logical step is to translate the specifications in the table into
the design requirements for the AX modulators.

The in-band blockers must be taken into account when specifying the dynamic range
for each modulator. The bottom line is that the residual dynamic range (i.e., the difference
between the nominal RMS value of the desired signal and that of the largest possible in-
band blocker) must be less than the achievable dynamic range of the modulator.
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Specifying the maximum allowable IP3 for each modulator is nontrivial because
a reasonable estimation is not attainable until these factors have been determined: the
linear gain of the RF front-end chain, the amplitudes of in-band blockers after the
RF and IF filters, and the IP3 of the mixer. However, a survey of state-of-the-art
design examples [5][10][17][21][27] will show that the modulators themselves typi-
cally contribute very little to the intermodulation error of the receiver, as long as the
feedback DAC’s nonlinearity is well taken care of. If a 1-bit DAC is used, then this
will not raise much concern. Table 8.3 summarizes the target specifications of the AX
modulators.

Table 8.2 Radio specifications of the multistandard RF receiver.

Standard GSM WCDMA DECT

Modulation scheme GMSK QPSK/RRC GFSK/DBFSK

Access scheme TDMA/FDMA CDMA/B-CDMA TDMA/FDMA

RX bandwidth (MHz) 935-960/1850—  1920-1980/2110—  1880—1900/1910—
1910 2170 1930

Channel 0.20 3.84 1.40

bandwidth (MHz)

Channel rate (Mbps) 0.271 3.842 1.152

Channel spacing (MHz) 0.20 5.00 1.728

Sensitivity (dBm) -100 -110 -83

@ BER = 0.001

Nominal signal level (dBm) -99 -108 -80

Max. In-band blocker level -23 —44 -33

(dBm)

Overall NF (dB) 12 9 18

RF Front-end NF (dB) 8 5 14

Baseband NF (dB) 4 4 4

Max. IP3 (dBV,s) -25 -18 -15

Table 8.3 Target specifications of the AX modulators.

Standard GSM WCDMA DECT
Dynamic range (dB) 86 54 72
SNDR (dB) 72 52 63
SNR (dB) 76 56 65
Max. IP3 (dBV,) -25 -18 —15
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8.3 System-Level AX Modulator Design

Power and area are the two biggest concerns in relation to an integrated multi-
standard RF receiver, so they must be taken into account in the system-level design
of the AX modulators.

As Chapter 5 showed, there are many possible approaches to design AX modula-
tors, and each has its share of merits and demerits. We can find in Table 5.4 that
when it comes to a low-power design, there are three best candidates: the 1-bit/
multibit multistage (all stages use 1-bit quantizers except for the /ast one, which uses
a multibit quantizer), the 1-bit multistage (each stage uses a 1-bit quantizer), and the
high-order 1-bit single-stage.

Based on the target specifications listed in Table 8.3, we can immediately discard
the 1-bit/multibit multistage (or cascaded) option because using multibit quantizer(s)
normally requires the mismatch-shaping circuitry (see Chapter 5), which costs extra
power and area, to remove the nonlinearity errors on account of imperfect matching
between DAC’s unit elements. Hence, it is not suitable to meet the needs of this
particular multistandard RF receiver.

Second, the 1-bit multistage structure is appropriate for realizing a loop filter
with an order higher than 2 but lower than 7 (2 < L < 7), attaining robust stability
performance by employing a low-order (L < 3) filter in each stage. However, as
mentioned in Chapter 5, component mismatch and finite op-amp gain errors cause
the quantization noise from the first stage to leak to the output, hence degrading the
SNR. For instance, in a fourth-order cascaded (2-2) modulator like the one reported
in [10], a relative capacitor mismatch ratio of 0.2% results in a decrease of up to
15dB in SNR.

By contrast, the high-order 1-bit single-stage structure has the advantages of not
requiring the DAC error correction. Also, the high-order structure eases the gain
requirement for the op-amps. However, as Chapter 5 showed, a high-order 1-bit
single-stage modulator may become unstable. The higher the order, the more difficult
it is to design such a modulator with a guaranteed stability. Fortunately, from
Equation (5.21), we find that a third-order, rather than fourth- or fifth-order, 1-bit
single-stage modulator is adequate to meet the specifications listed in Table 8.3.

IF Frequencies and OSRs

As described in Section 8.2, a high IF greatly relaxes the selectivity requirement for
the RF filter and alleviates the imaging problems. An IF of around 100 MHz is often
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preferred in the digital high-IF receivers [11][17]. For the AX modulators in this
chapter, three different IFs are chosen: 78§ MHz for GSM, 138.24 MHz for WCDMA,
and 110.59 MHz for DECT.

As mentioned earlier, a third-order 1-bit single-stage modulator structure is
adequate to the design requirements in Table 8.3. An OSR of 192 is chosen for GSM
to achieve a high SNR more than 100dB. For DECT, the value of its OSR is set to
64. The OSR is set to only 24 since a channel bandwidth of about 2MHz is required
by the WCDMA standard.

Having determined the OSR values, we can calculate the different sampling rates
for the three standards using the orthogonal hardware modulation scheme [28], and
the results are as follows: 104 Msample/s for GSM, 184.32 Msample/s for WCDMA,
and 147.46 Msample/s for DECT. Note that the low-pass modulators are clocked at
only half the effective sampling rates, thanks to the two-path IF-to-baseband scheme
illustrated in Figure 8.6. For example, the modulators for GSM are actually clocked
at 52 Msample/s.

AY Modulator Design for GSM and DECT

A simplified DFFIR topology (see Chapter 5) is adopted to design the two AX
modulators for GSM, which is shown in Figure 8.8. Note that the internal resonator
feedback is removed because simulations show that the SNR requirement can be
readily fulfilled without optimizing the NTF’s zeros (for GSM only). Also, the
simplified DFFIR shown in Figure 8.8 removes the three forward paths, resulting in
a smaller and more power-efficient modulator.

Note that the system coefficients (i.e., 1/4, 1/3, and 1/8) are equivalent to capaci-
tance ratios in the circuitry. In practice, it is desirable that these coefficients contain

U(n)

1/4
X4(n) Xa(n) Xsfn)

HRY:) b 1/8 Y(n)

P o F——P—{ 0 p——P—~[ o }p——— F+ .

1/4 1/3 ¢ 1/81

DAC

Figure 8.8 AX modulator topology for GSM.
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as few fractional digits as possible. Otherwise, they place stringent accuracy require-
ments on the implementation of integrated capacitors, which are difficult to meet
especially when parasitic capacitances are not negligible.

Additionally, each pair of the integrator input and DAC feedback signals share
the same capacitance ratio. This is also favorable in practice because only one input
capacitor is needed for each input stage (in the single-ended configuration), resulting
in less capacitances and a smaller chip area.

Furthermore, one important requirement of cascaded integrators is that all the
integrators have approximately the same average output level. Otherwise, we need to
scale the system coefficients to make sure that no integrator’s output is beyond a
normalized limit (i.e., dynamic range scaling). This is critical for attaining a high
dynamic range in a low-voltage design. Figure 8.9 shows the normalized outputs of
the three integrators, i.e., X;, X,, and X;. A 50-Hz sinusoid with a peak-to-peak
amplitude of —3 dBFS is fed into the modulator. As shown, all three integrators’

3000 T T T T T T T T T

2000

1000

Number of events

-1 -0.8 -0.6 -0.4 -0.2 0 0.2 0.4 0.6 0.8 1
Normalized integrator 1 output: X

1500 T T T T T T T T T

Number of events

-1 -0.8 -0.6 -0.4 -0.2 0 0.2 0.4 0.6 0.8 1
Normalized integrator 2 output: X,

1500 1 I 1

Number of events

0
-0.2 -0.15 -0.1 -0.05 0 0.05 0.1 0.15 0.2
Normalized integrator 3 output: X5

Figure 8.9 Probability distribution of each integrator’s output (for GSM only).
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output levels are kept within the normalized range between 1 and —1. Thus, no extra
dynamic range scaling is needed. In this design, both DECT and GSM standards use
the same modulator topology shown in Figure 8.8, but at different OSRs—that is, for
DECT the OSR is changed to 64.

AX Modulator Design for WCDMA

As mentioned earlier, the AX modulator for WCDMA uses a much lower OSR than
192 (OSR = 24) to achieve a 56dB SNR, therefore more aggressive noise-shaping is
needed. Here, an internal resonator feedback is added to optimize the NTF’s zeros,
as illustrated in Figure 8.10. Note that the feedback gain or coefficient is set to 1/9.
The internal resonator feedback will be activated for WCDMA but deactivated for
GSM or DECT.

Sizing the Capacitors

In real circuits, the thermal noise (referred to as k7/C;,in; noise in SC circuits; see
Chapter 1) rather than the quantization noise may limit the ultimate SNR perfor-
mance of a AX modulator [22]. The suppression of the thermal noise heavily depends
on the sampling capacitors. The smaller the sampling capacitor, the less effectively
the thermal noise can be suppressed. For a chain of cascaded integrators, the sam-
pling capacitor(s) of the first integrator (C,,ng) normally governs the thermal noise
suppression. The following formula is often used in practice to determine Ciupiing:
2010g( L'LJS—(SNR+3CZB) (8.1)
OSR'Csamling Vref
For GSM (OSR = 192), if the desired SNR and V,,, are equal to 100dB and 1.25V,
respectively, then Cigpine Should be no less than 0.6 pF. For WCDMA (OSR = 24),

U(n)

Y 1/4 !

4 113 ¥ 1/8

@ —| F

Y(n)

D

1741 1/3 1/8 4

DAC

Figure 8.10 AX modulator topology for WCDMA.
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the calculated minimum Ci,,i, 18 €qual to 0.044 pF when the SNR and V,, are set
to 70dB and 1.25V, respectively. And for DECT, the result is 0.17 pF (OSR = 64)
when the SNR and V,,; are set to 90dB and 1.25'V, respectively. Sometimes a smaller
reference voltage such as 1.0V is used to further reduce the thermal noise.

As we can see, Cypping for GSM has the largest capacitance (0.6 pF), hence it
should be the bottom line. In this design, Ciuupine 18 chosen to be 0.72 pF to provide a
design margin. The sizes of the sampling capacitors in the second and third integra-
tors may be scaled down by a factor of two to four for saving chip area.

In this three-in-one configuration, all three RF standards employ the same set of
capacitors except that an extra feedback capacitor is needed for WCDMA. The sizing
of Cinregraring (And Creapac Tor WCDMA only) is determined by the system coefficients
(a;, b;, c;, or g;) derived earlier. Table 8.4 lists all the capacitors used in this design
(fully differential). It should be noted that each capacitor is divided into two equal
ones in a fully differential design. Cy;, C,,, and Cg are the sampling capacitors in the
first, second, and third integrators, respectively. C;;, C;,, and C;; are the integrating
capacitors in the first, second, and third integrators, respectively. And C;is the
capacitor used in the internal resonator feedback path (for WCDMA only).

Hence, the total capacitance is equal to 6.24 pF (in the transistor-level implemen-
tation 6.30pF is used to achieve a better capacitor matching), and the capacitance
spread ratio is equal to 24: 1. The unit capacitance is set to 0.06 pF.

Nonidealities in AX Modulators

Finite Op-Amp Gain

One of the well-defined nonidealities with respect to AX modulators is the finite op-
amp gain problem. It can be found that an SC integrator’s transfer function is given by

Table 8.4 Capacitors in each AX modulator.

Cs 0.36pF
Co 0.18pF
Cus 0.06 pF
Ci 1.44pF
Co 0.54pF
Cas 0.48pF
o) 0.06 pF
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where A is the dc gain of the op-amp. It is well known that the finite op-amp gain
causes not only a gain error but also a phase shift. The phase shift causes the dis-

1

=)

H(z)=

(8.2)

placement of the NTF zero from its desired position, resulting in an increase of the
in-band quantization noise power and hence a lower SNR. Figure 8.11 illustrates the
simulated SNR loss as a function of the op-amp dc gain. As the figure shows, if it is
assumed the finite op-amp gain is the dominant source of error in the system, then
an op-amp gain of at least 1500 V/V, or, equivalently, 63.5dB is required to keep the
SNR loss less than 0.1 dB for all three standards. However, larger op-amp gains are

often needed in practice to alleviate other errors such as the charge injection and

capacitor mismatch.

SNR Loss (dB) [log]

SNR loss versus the opamp dc gain.

[ == WCDMA (OSR = 24)|:

.t |-o0 GSM(OSR=192)

104 i i i i i i i

| <~ DECT(OSR=64) | ...

0 500 1000 1500 2000 2500 3000 3500
Opamp dc gain [lin]

Figure 8.11 SNR loss versus op-amp dc gain.
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Finite Op-Amp Bandwidth and Slew Rate

If an SC integrator output voltage cannot settle successfully within half the clock
period, then harmonics will appear at its output. Incomplete SC integrator settling is
caused by a combination of the finite op-amp bandwidth (linear settling) and the
insufficient slew rate (nonlinear settling).

Finite op-amp bandwidth is normally determined by the closed-loop unity-gain
bandwidth (UGBW), which can be approximated to the result of dividing the trans-
conductance of the op-amp’s input devices by the output loading capacitance at the
end of the integration phase (i.e., g,,/C.q1000)- Slew rate is normally determined by
how fast C,, ... can be charged (or discharged), hence it is given by 1/C,, 4 [29].

In the beginning of each settling operation, the slew rate is the limiting factor as
C.,.100a 15 being charged by a large input signal that is initiated by the rising edge of
the system clock. Once the charging is done (roughly when the op-amp’s output
reaches the peak voltage and starts falling), the finite op-amp bandwidth takes over.

The finite op-amp bandwidth and the slew rate specifications can be derived by
using the behavioral-level simulation [30][31]. Normally, a simple single-pole op-amp
model with a constant dc gain is used in the simulation. In this design, the modulator
for WCDMA operates at the highest sampling rate with the busiest input signal (i.e.,
the highest maximum signal bandwidth). Thus, its settling requirement dominates.

In Figure 8.12(a), the contours of peak SNDRs (64 dB, 58dB, etc.) are illustrated
as functions of the op-amp’s transconductance (g,) and the maximum tail current or
the slewing current /,,;. The optimum design point is often chosen within the flat
region (denoted as “Desired design region” in the diagram), where the nonlinear
settling characteristics are approximately independent from those of the linear set-
tling [31]. As Figure 8.12(a) shows, a g,, of about 7ms and an /,,; of about 0.5mA
are sufficient for the integrators to settle appropriately.

Figure 8.12(b) shows the contours of constant peak SNDRs as functions of
UGBW and slew rate, respectively. As shown, a closed-loop UGBW of about
420MHz and a slew rate of about 100 V/us are sufficient to optimize the settling
performance. Note that the dc gain of the op-amp model used here is assumed to be
66dB.

Alternatively, we can estimate the minimum UGBW required to guarantee a
0.1% settling within half the clock period by the utilizing the following formula [30]:

7
fUGBW = ; X sampling (83)
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The highest effective f;,,pin, 1S €qual to 184.32 MHz (WCDMA); thus from the
preceding formula, a minimum UGBW ( fysw) as high as 411 MHz is obtained. This
result is comparable to that shown in Figure 8.12(b), which is about 420 MHz.

Nonideal Switches

As mentioned in Chapter 1, MOSFET switches (NMOS or PMOS) suffer from
nonidealities including the k7/C noise, charge injection/clock feedthrough, and
nonzero on-resistance. As we saw earlier, k7/C noise can be reduced by using larger
Cumpiing- Signal-dependent charge injection can be alleviated by using bottom-plate
sampling technique [30][32]. Clock feedthrough can be effectively reduced by using
a fully differential design.

However, with a 2.5-V supply voltage, the nonzero on-resistance is rather prob-
lematic. First, it degrades the settling performance of the SC integrator. If a nonzero
on-resistance exists, then the settling time is dominated by the RC constant of the
switching network. In effect, the integrator transfer function is altered; hence, the in-
band quantization noise power is increased. Second, during the sampling phase, the
sampling switch’s on-resistance depends on the input signal, resulting in harmonic
distortions [30]. The appropriate NMOS size ratio can be roughly estimated to be

(K) - 7 Cimax * faampling (8.4)
L i MyCoo (Viu=Vy)

The modulator for WCDMA has the worst-case scenario because it must operate

at the highest effective f,,pine, Which is equal to 184.32MHz. According to Table 8.4,
the maximum capacitance in the network C,,,, is equal to 1.44 pF. In addition, the
overdrive voltage, (V,; — V,;,), depends on the technology and the supply voltage. In
this design, it is approximated to 0.7V for a 2.5-V power supply. Finally, the product
of ty C,, is approximated to 1 x 107

From calculations, the minimum NMOS size ratio (i.e., W/L) is about 20/1,
which implies that the switch on-resistance cannot be larger than 350€2. Since the
PMOS transistor is typically two to three times slower than its NMOS counterpart,
the minimum PMOS size ratio ranges between 40/1 to 60/1.

Flicker Noise

Thermal noise and flicker noise are the two most common intrinsic noises in MOS
devices. As mentioned earlier, thermal noise can be attenuated by using large sam-
pling capacitors in the SC circuit. Unlike the pseudo-white thermal noise, flicker
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Figure 8.13 Chopping in front of the op-amp.

noise (or 1/f noise) has a spectral power density that is inversely proportional to
frequency, meaning that most of its power resides within the low-frequency range.

A well-known technique called chopping [33] is often used to reduce the in-band
flicker noise. In this design, two choppers clocked at a quarter of f;,,,,, are placed
in front of the op-amp of the first integrator, which effectively pushes the amplifier’s
1/f noise and dc offsets to higher frequencies (e.g., f;/4 and 3f;/4). Figure 8.13 shows
the choppers.

Capacitor Mismatch

Capacitor mismatch degrades the accuracy of the modulator coefficients, causing
deviations in the NTF and STF responses of the AX modulator. In standard CMOS
technologies, the relative capacitor matching error is kept within 0.2%. To model the
effects on the SNR by capacitor mismatch, we first generate a Gaussian-distributed
random sequence, Ey, which has a standard deviation of £0.1%; then we replace each
branch capacitor C; with C; (1 + E;). Next, the AX modulator is simulated on the
behavior level [1]. The simulation shows that there is no significant degradation of
SNR performance because of the capacitor mismatch (typically less than 0.5dB),
which proves the previous statement that the high-order 1-bit single-stage AX modula-
tor is normally insensitive to the capacitor mismatch errors.

8.4 Circuit Implementation

This section deals with the circuit-level design issues with respect to the third-order
AX modulator illustrated in Figure 8.14. As shown, the key building blocks of the
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modulator include three SC integrators, a 1-bit quantizer, and a 1-bit DAC. The 1-bit
DAC is similar to the one that we saw in Chapter 5.

Seven clock phases are generated to control the operations of the integrators and
1-bit quantization. They include two nonoverlapping phases, ck; and ck,; an early
phase, ck,,, which controls the latched comparator in the 1-bit quantizer; two delayed
clock phases, cky; and ck,,;; and complements of the two delayed phases, ck;,, and
ck,4,- The clock generation circuitry is shown in Figure 8.15 [34].

U(n)  Second integrator
First integrator  : 1/9
IR R Y P s W
5 P I I :
. RV N 1/8 I L Y(n)
- — e }— 0 +
N b Y r_
/44 Co1/34 : 1/8 A Third integrator
DAC
Figure 8.14 Block diagram of the third-order AX modulator.
{So—>o—>0—>———O ckib
25V D D D E E > cki
{0 >—Ockidb
e e—e—>e—>—0 ckid
= —DD—DD—O ckle
Clock O
25V
| e S——{>—{>—0 ckad
L So—So—>e >0 ckedb
S |—|>—|>—|>—«>—|>—o o2
- o >o—>e—>—0O ck2b

Figure 8.15 Clock generation circuitry.
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SC Integrators

The first integrator is shown in Figure 8.16, and it operates as follows. During ck;,
the input voltage V;, is sampled onto C,,,,- During ck,, a charge proportional to
the voltage difference between V;, and DAC reference voltage V,,,is transferred from

Cmmpling to Cimegrating'

The sampling and integrating capacitances were specified earlier in Table 8.4 and
are denoted here in Figure 8.16. The input common-mode voltage, V,,, ; is set
to 0.9V for a 2.5-V power supply, thereby allowing switches S5 and S, to be
implemented using only NMOS devices. The sizing of the switches is listed in
Table 8.5.

The sizing of these switches follows the calculation results in the previous
section: The W/L ratio of an NMOS switch should be at least 20/1, and that of a
PMOS switch should be 40/1. The term CMOS means that the particular switch is a
CMOS transmission gate built from an NMOS and PMOS transistors. Here, S; and
S, are built as CMOS transmission gates to reduce the input-dependent errors.

ck2d
\ Reset
l cm_i l
S, 0
Vref_p (@ D s rl
T s, —
integrating=1.44pF
ck2db ck1 o_IE I :
ckid ck2
s l Csampling:O.SGpF
oro—— —=—|
. OVOuLp
ck1db{
n ]| - Voutfn
Vinn © s, 11 —C
T Csampling:O.SGpF
ckid k2 .
ck2db ck1 °_IE — |
integrating=1.44pF
1 S5
Vref_n O S D 0 85 LI
2

V .
emd reset

Figure 8.16 The first integrator.
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Table 8.5 Switch-sizing for the first integrator.

Switch  Type Size (um)

S, CMOS  7/0.35 (NMOS); 21/0.35 (PMOS)
S, CMOS  7/0.35 (NMOS); 21/0.35 (PMOS)
S, NMOS  14/0.35

S, NMOS  14/0.35

Ss NMOS  1/0.35

Additionally, the use of delayed clock phases ck;, and ck,, reduces the charge
injection errors [35]. S5 resets the integrating capacitors during the power-on mode or
the switching mode (when the modulator is being transformed to support a new
standard). In addition, S5 serves as a clipper, resetting the modulator’s output when it
is overloaded or unstable [22].

The second integrator is shown in Figure 8.17. The input common-mode voltage,
V. i 1s set to 0.9V, and the midsupply reference voltage, V,,,; is set to 1.25V for a
2.5-V supply. The feedback branch that creates the internal resonator for WCDMA is
controlled by en_ycpua and ck;, through an AND gate and an inverter, and the sizing
of the switches is listed in Table 8.6. The third integrator is shown in Figure 8.18. It
looks similar to the first integrator. Note that V, and V, are marked on purpose,
indicating the negative feedback coefficient is obtained by simply reversing the
outputs. The sizing of the switches is listed in Table 8.7.

Operational Transconductance Amplifier (OTA)

The operational transconductance amplifier (OTA) (also known as the operational
amplifier or op-amp) is the most critical element in a AX modulator. OTAs with high
gain-bandwidth products are used to fulfill the speed and accuracy requirements
placed by the RF receiver.

Gain-boosting is a proven approach to designing high-gain and high-speed OTAs
[36]. The key point here is that the dc gain of the OTA is increased exponentially
while the effective UGBW is only decreased linearly. As shown in Figure 8.19, the
main amplifier is built based on the telescopic topology. The telescopic topology is
chosen over other amplifier types because it is one of the best candidates suitable to
meet the needs of high-speed and low-power applications.
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Figure 8.17 The second integrator.

The switched-capacitor common-mode feedback (CMFB) circuit is used to track
the output common-mode voltage level. The tail current /,,; of the main amplifier in
the first integrator is equal to 590 uA. To save power, the value of [,,; can be reduced
by a ratio of 2 and 4 for its correspondences in the second and third integrators,
respectively (the transistors also need to be scaled accordingly). The transistor sizing
for the main amplifier in the first integrator is listed in Table 8.8.

The auxiliary amplifiers (i.e., A; and A, in Figure 8.19) are designed based on the
folded-cascode topology to enhance the total dc gain. The top auxiliary amplifier A,
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Table 8.6 Switch-sizing for the second integrator.

Switch  Type Size (um)
Se CMOS  5/0.35 (NMOS); 15/0.35 (PMOS)
S, CMOS  5/0.35 (NMOS); 15/0.35 (PMOS)
Ss NMOS 10/0.35
So NMOS 10/0.35
Sio NMOS 10/0.35
Si NMOS 5/0.35
Si CMOS  5/0.35 (NMOS); 15/0.35 (PMOS)
Sis NMOS 1/0.35
ck2d
Vo | Reset
S |
Viet p O 1SD 0 S1sr|
T 816 Cintegrating=0.48pF
ck2db okt o[ T
ckid ck2
Csampling:O.OGpF S
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Figure 8.18 The third integrator.
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Table 8.7 Switch-sizing for the third integrator.

Switch  Type Size (um)
Si CMOS  5/0.35 (NMOS); 15/0.35 (PMOS)
Sis CMOS  5/0.35 (NMOS); 15/0.35 (PMOS)
Sis NMOS  10/0.35
Si7 NMOS  10/0.35
Sis NMOS  1/0.35
Main amplifier
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At Ovoutfn
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Figure 8.19 Main amplifier.

Table 8.8 Transistor-sizing for the main amplifier.

Devices Type Size (um)
M 2 NMOS 120/0.35
Ma.4 NMOS 50/0.35
Ms. 6 PMOS 80/0.35
Mg PMOS 150/0.7
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is shown in Figure 8.20. It is on the PMOS side and employs a pair of NMOS input
devices to achieve a wide voltage swing [37]. The same strategy is applied to the
design of the auxiliary amplifier on the NMOS side A, (Figure 8.21), in which a pair
of PMOS transistors is adopted as the input devices.

The internal CMFB loop is formed by simply connecting the amplifier’s output
nodes to the gates of two large transistors, both of which are working in the linear
region. In both auxiliary amplifiers, I, Ipo, and Ip,; are set to about 40 uA, 20 uA,
and 20 1A, respectively. The biasing plan is described as follows. The main amplifier
should be driven by a separate biasing network to provide a high power-supply-
rejection ratio (PSRR). By contrast, the auxiliary amplifiers in each integrator should
share the same biasing network to save power. The biasing technique known as
Sooch Mirror [38] is adopted in this design to achieve wide output swings. The
simulated UGBW and phase margin (PM) of the OTA are equal to 433 MHz and 57
degrees, respectively. The simulated dc gain approximates to 72 dB.

25V

—[ va M |F—
o

M5 M6
1 [T
:II | - O Vs
Vout_p O —CQ Vout,n
Vin p O——| F—o Vin
M9 L, M1 L, O Voo
pu | pu ||
l' D9 1' D1
M10 M12

E: P

Figure 8.20 Auxiliary amplifier A;.
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Figure 8.21 Auxiliary amplifier A,.

Quantizer

The 1-bit quantizer is built from a dynamic regenerative comparator and a static SR
latch, as shown in Figure 8.22. The comparator is appropriate for high-speed and
low-power applications [39], and it operates as follows. During the reset mode (i.e.,
cky, is low), the outputs are connected to Vp, through My and M,,. When ck,,

goes high, the comparator enters the regenerative mode and transistors M;—Mj

form a positive feedback loop. As a result, the input difference voltage is amplified to
a full-scale rail-to-rail output. Once the comparator makes a decision, the cross-
coupled transistors M;4and M;gimmediately shut down all the connections between
Vpp and Vi, thereby saving power. This process may be better understood by
looking at Figure 8.22: When V,,, is high and V,,, is low, V, becomes low and V,
becomes high. As a result, M5 and My are on (\/), whereas M, and M, are off (X) and
hence the comparator is turned off. The transistor sizing for the comparator is listed
in Table 8.9.
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Figure 8.22 Quantizer.

Table 8.9 Transistor sizing for the comparator.

Devices Type Size (um)
M - NMOS 16/0.35
Ms. 4 NMOS 10/0.35
Ms 6 PMOS 10/0.35
Mg PMOS 25/0.35
Mo 10 PMOS 10/0.35

8.5 Measurement Results

The AX modulators described in this chapter have been incorporated into a multi-
standard RF transceiver chip, which is fabricated in a 0.35-yum, DPSM 2.5-V CMOS
process. The chip microphotograph of the AX modulators and decimation filter is
shown in Figure 8.23. The total active silicon area is about 16 mm?, and the modula-
tor takes up 0.50mm?®. During the measurement, the acquired output data stream is
stored in a file and then loaded into the computer for additional postfiltering and
spectral analysis.

Intermodulation measurement is performed for the GSM case only, whose IP3
specification is the most stringent among the three standards. Two sinusoids, one
with a frequency 100kHz lower than the IF and the other with a frequency 200kHz
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Figure 8.23 Die microphotograph (AZ
modulators and decimation filter only).
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higher than the IF, are fed into the modulators. The strongest image component is
measured to be —27.5dBYV,,,, at the 300-kHz offset from the IF. Hence, the IP3
requirement in Table 8.3 is fulfilled.

We know that the noise-shaping requirements for the WCDMA modulators, such
as the low OSR and the high signal bandwidth, are much more stringent than those
for the GSM and DECT modulators. Therefore, only the noise-shaping result of the
WCDMA modulators is presented here. The fast Fourier transform (FFT) spectrum
of the I-branch modulator output (before the decimation filter) is shown in Figure
8.24. A sinusoidal input signal with an amplitude of —4 dBFS and oscillating at 100-
kHz higher than the IF (in this case, 138.24 MHz) is fed into the modulator.

As shown, the thermal noise floor is roughly flat up to 2 MHz, which is half the
signal bandwidth required by the WCDMA standard. Note that only the /-branch
modulator’s output, which is horizontally symmetrical to that of the Q-path modula-
tor, 1s shown.

Figure 8.25 shows the measured SNDRs with respect to different input ampli-
tudes. As shown, the achieved peak SNDRs are 80.1 dB (GSM), 55.3dB (WCDMA),
and 64.9dB (DECT). The dynamic ranges are 87dB (GSM), 69dB (WCDMA), and
74dB (DECT).

The measurement results of the AX modulators are listed in Table 8.10. For
comparison purposes, the modulator specifications reported in [10] and [17] are also
included. It can be seen that the AX modulators described in this chapter achieve
high performance while using simple circuitry that consumes little power.
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Figure 8.24 Measured output spectrum (WCDMA only).

8.6 Conclusions

In this chapter, we studied the design of delta-sigma (AX) modulators appropriate for
multistandard RF receptions. The AX modulators have been incorporated into a
multistandard (GSM/WCDMA/DECT) RF transceiver chip, which is fabricated in a
0.35-um, DP5M 2.5-V CMOS technology. It has been demonstrated that the high-

frequency IF signal digitization can be performed by a pair of low-pass AX
modulators.
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Measured SNDR versus input amplitude curve: All three standards
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Figure 8.25 Measured SNDR versus input (all three standards).

The existing RF receiver systems were reviewed in Section 8.2. The system-level
design of AX modulators was presented in Section 8.3. The circuit-level implementa-
tion of the modulators was explained in Section 8.4. Finally, the performance of the
AY modulators was summarized and compared to the other solutions in Section 8.5.

There are three suggestions for future work. First, the relationship between the IF
filter and AX ADC needs to be investigated to a more exhaustive extent, as the
accuracy and dynamic range requirements for the AX ADC can be relaxed by a
selective IF band-pass filter. Second, unity-gain buffers (UGB) [29] may be employed
to substitute op-amps to reduce power consumption without resulting in speed and
accuracy penalties. Third, it may be feasible to merge the automatic gain controller
(AGC) and second mixer with the AX ADC to achieve higher integration, as their
dynamic range requirements are essentially the same.
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Table 8.10 Performance of AX modulators: A comparison.

Ref. [10] [17] This work
Standards GSM/DECT GSM/WCDMA GSM/WCDMA/DECT
Receiver topology Wideband IF Digital high-IF Digital high-IF
double-
conversion
OSR 128 (GSM), 192 (GSM), 24 192 (GSM), 24
32 (DECT) (WCDMA) (WCDMA), 64
(DECT)
Dynamic range 96 (GSM), 86 (GSM), 54 87 (GSM), 69
(dB) 82 (DECT) (WCDMA) (WCDMA), 74
(DECT)
SNR (dB) 92 (GSM), 76 (GSM), 53 83 (GSM), 56
76 (DECT) (WCDMA) (WCDMA), 67
(DECT)
SNDR (dB) 90 (GSM), 72 (GSM), 52 80 (GSM), 55
75 (DECT) (WCDMA) (WCDMA), 65
(DECT)
IP3 (dBV,s) —26 (GSM), -26 (GSM), —18 -27.5 (GSM), —19.4
—12(DECT) (WCDMA) (WCDMA), -16.8
(DECT)
Modulator topology 4"-order, 1-bit, DQIR with extra Simplified DFFIR
cascaded forward paths, without the three
2-2 third-order, forward paths,
1-bit, single- third-order, 1-bit,
stage single-stage
Total capacitance >15.0 5.41 6.30
(pF)
Capacitance — 48:1 24:1
spread
Power >18.0 each 11.5 (GSM), 13.5 12.7 (GSM), 141
consumption mode (WCDMA) (WCDMA), 13.5
(mW) (DECT)
Power supply (V) 3.3 2.5 2.5
Technology 0.35-um 0.25-um CMOS 0.35-um CMOS
CMOS double-poly double-poly
double-poly
Active area (mm?) — 0.36 0.50

(modulator only)
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A
Absolute accuracy, 143, 144
Accumulation, 3, 11, 12
Acquisition time, 59, 69
Active region, 4, 5
ADC, see Converters, data
Adder, 179, 191
Algorithmic ADC, see Converters, data
Algorithmic DAC, see Converters, data
Amplifiers:
analog, 5
auxiliary, 23, 296, 299, 300
class-B, 250
multiply-by-two, 182-185
open-loop, 3,
operational, 15-25
Analog-to-digital converter (ADC), see
Converters, data
Antialiasing filter (AAF), 70, 89, 115, 189, 272
Aperture jitter, 60—63, 144, 148, 149
Aperture uncertainty, 60
Approximation, 4-7, 18, 27, 37, 38, 68, 81, 93,
262
Audio, 37, 68, 70, 72, 74, 115, 137, 188, 196,
207, 263, 272
Autozeroing, 188, 259-262
Auxiliary amplifier, 23, 296, 299, 300

B

Back-to-back (frequency) test, 62—-64

Band-pass, 36, 40. 51, 92, 207, 275, 277, 278,
280, 304

Index

Beat-frequency test, 63

Best-fit test, 142

Biasing, 18, 54, 299

BiCMOS, 116

Binary bit, 140

Binary code, 139-141, 145, 149, 153, 164, 178,
179

Binary-weighted, 39, 40, 139, 140, 150, 153, 159,
160, 186

Bipolar, 2, 64, 116, 166

Biquad, 36-38, 40, 79-81, 117

Bit, 1-, 174-179, 181, 182, 190, 193-200, 204,
205, 207, 282-284, 292, 293, 300, 305

Bit, single-, 197, 200

Body effect, 7, 11, 61, 64, 226, 228, 231, 232,
254

Boltzmann’s constant, 8

Boost converter, see Converters, power

Boosting, clock, 247, 251, 252

Bootstrapped switch, 69, 247, 252-254

Bootstrapping, 64, 251, 255

Bottom plate (of capacitor), 34, 46, 50, 291

Breakdown, oxide, 6, 252

Buck converter, see Converters, power

Buck-boost converter, see Converters, power

Buffer, 15, 52, 59, 61, 65, 67, 89, 116, 117, 156,
198, 199, 261, 264, 304

Bulk, 251, 254

C
Capacitance ratio, 35, 36, 72, 81, 94, 98, 180,
285
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Capacitance spread, 39, 72, 73, 79, 81, 92-96,
98, 99, 101, 104, 107, 156, 274, 287
Capacitance spread reduction, 92-96
Capacitors:
array, 39, 40, 70-72
double-poly, 226, 234, 235
poly-metal, 234
thin oxide CMOS, 234
Carrier, 2, 3, 6, 11
Carrier frequency, 137, 272, 276
Cascode op-amp topology, 19-23
Channel-length modulation, 7
Charge injection, 3, 9-11, 32, 59-62, 64, 65, 67,
68, 113, 155, 176179, 188, 194, 204, 260,
262, 288, 291, 295
Charge-pump, 225, Dickson, 226-235, pseudo-4-
phase, 235
Charge-redistribution DAC, see Converters, data
Class-B, see Amplifiers, class-B
Clock boosting, 247, 251, 252
Clock feedthrough, 3, 60, 67, 157, 168, 291
Clock generation, 64, 293
CMOS process, 2, 12, 21, 34, 35, 61, 113, 231,
250, 251, 257, 276, 279, 301
CMOS technology, 6, 7, 61, 68, 69, 76, 117, 168,
235, 259, 303
CMOS transistor, 2, 116
CMOS transmission gate, 7, 8, 10, 58, 64, 113,
249, 294
CMOS switch, 249, 250, 254, 255
Common-mode feedback (CMFB), 19, 21, 23,
296, 298-300
Comparator, 168, 171, 174-176, 178, 179, 181, 183,
185, 187, 193, 242, 259, 261, 293, 300, 301
Compensation, 10, 12, 16, 17, 23, 69, 96, 257,
259, 261, 262, 266
Complex, quadrature, 273, 274
Conversion time, 150, 185
Converters, data:
algorithmic ADC, 182
algorithmic DAC, 156
analog-to-digital converter (ADC), 9, 58, 63,
64, 67, 68, 74, 144-150, 162-216, 252,
257,272, 273
charge-redistribution DAC, 186

current-mode DAC, 151, 153, 157, 158, 180
current-steering DAC, 151, 153, 205
cyclic ADC, 182-185
cyclic DAC, 156, 157
data converter, 137-216
digital-to-analog converter (DAC), 70, 139144,
151-162, 282-286, 293, 294
flash ADC, 162-168, 170-174, 181, 183
folding flash ADC, 167, 168
incremental ADC, 188
integrating ADC, 188
interpolating flash ADC, 167, 168
multiplying digital-to-analog converter
(MDAC), 174, 179, 183
Nyquist-rate ADC, 162—188
Nyquist-rate DAC, 151-162
oversampling converter, 188-216
pipelined ADC, 169, 173-181, 183, 252, 257,
273
pipelined DAC, 157
resistor-string DAC, 151, 152, 158
successive-approximation ADC, 185-188
time-interleaved ADC, 188
two-step ADC, 168-174, 184, 188, 191
Converters, power:
boost converter, 225
buck converter, 225
buck-boost converter, 225
DC-DC converter, 223-245
multiple-gain SC DC-DC converter, 238-243
multiple-lift SC converter, 235
power converter, 224
step-down converter, 225, 236-238
step-down-step-up converter, 225, 238-243
step-up converter, 225-235
Correlated double sampling (CDS), 161, 188,
261-266
Cross-wiring, 54, 56
Current-mode DAC, see Converters, data
Current sink, 21
Current source, 151, 153, 157, 158, 161, 162, 188,
205
Current-steering DAC, see Converters, data
Cyclic ADC, see Converters, data
Cyclic DAC, see Converters, data
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D

DAC, see Converters, data

Damping factor, 36

Damping SC integrator, see Integrators

Data conversion, 150

Data converter, see Converters, data

DC-DC converter, see Converters, power

DC voltage level, 20

Decimation factor, 74, 76

Decimation filter, 273, 301, 302

Decimator, SC, 74-76

Decoder, 151

Deep-submicron CMOS, 248, 252, 259

Deglitching capacitor, 156, 262

Delay, 42, 45, 52, 54, 57, 67, 72, 97, 170, 235,
263

Delayed clock phase, 10, 293, 295

Delayed integrator, see Integrators

Delta-sigma (AX) modulator, 188-216, 271-305

Demodulation, 63

Depletion, 3, 11, 12

Dickson charge pump, 226-235

Difference equation, 31, 41, 42

Differential configuration, fully, 19, 67, 68, 93,
113, 155, 260

Differential design, fully, 52, 287, 291

Differential implementation, fully, 65

Differential nonlinearity error (DNL), 142—144,
146, 147, 149, 150, 158, 160

Digital-to-analog converter (DAC), see
Converters, data

Digital visual interface (DVI), 169

Diode, 226, 227, 229, 236, 237

Diode bridge, 58, 64

Discrete-time signal, 31, 37, 150

Distortion, 32, 52, 60-63, 65, 147, 155, 225, 243,
255, 291

Dominos theory/effect, 177

Doubler, voltage, 232-235, 251, 252

Downsampler, 74

Drain current, 5, 6, 248

Drain-induced barrier lowering, 6

DRAM, 225, 226

Droop rate, 62

Dummy, 10, 64, 65, 67

Dynamic range (DR), 54, 62, 99, 117, 144, 146,
200, 250, 251, 257, 277, 281, 285, 302,
304, 305

Dynamic range scaling, 81, 98—101, 104-107,
120, 121

E

EEPROM, 225, 226

Effective channel length, 4

Effective gate length, 3, 11, 225, 248

Effective number of bits (ENOB), 141-144,
146-150, 158-160, 167, 172, 181, 188,
190, 193-195, 205

Efficiency, 223-225, 228, 230, 232-235, 242, 243

Electric field, 6

Electromagnetic interference (EMI), 224, 225

Electron, 2, 3, 11, 231, 252

Envelope test, 63

Excessive lateral diffusion, 12

F

Feedback capacitor, 41, 42, 48, 81, 82, 95, 98,
99, 155, 156, 175, 183, 187, 199, 262, 287

Feedback coefficient, 295

Feedback DAC, 193, 197, 204-206, 282

Feedback factor, 109-111

Feedback loop, 66, 78, 79, 156, 183, 238, 260,
300

Feedback path, 54, 65, 78, 199, 205, 262, 287

Feedback resistor, 153

Feedthrough, clock, 3, 60, 67, 157, 168, 291

Fermi potential, 11, 61, 231

Filter, SC, 39, 69, 70, 74, 89-132, 198, 257, 264

Finite-impulse-response (FIR), 74-76, 214

Finite op-amp bandwidth, 109, 111, 155, 258,
264, 288, 289

Finite op-amp gain, 58, 108, 127, 139, 155,
176-180, 185, 204, 258-266, 283, 287, 288

Flash ADC, see Converters, data

Flash memory, 226

Flat-band voltage, 11-12

Flicker noise, 21, 67, 155, 259, 261, 277, 280,
291, 292

Flip-flops, 180

Floating switch, 248, 251, 252, 255
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Folded-cascode op-amp, 19-23, 113
Folded-cascode topology, 296
Folding factor, 167
Folding flash ADC, see Converters, data
Fourier transform, 196, 302
Fully differential:
configuration, 19, 67, 68, 93, 113, 155, 260
design, 52, 287, 291
implementation, 65

G

Gain-enhancement, 23

Gain stage, 18, 21, 72, 77, 170, 198
Gate-induced drain leakage, 252
Gate-oxide breakdown, 252
Glitch, switching, 140

Glitch impulse area, 150

Gray coding, 150

H

Half-bandwidth, 36

Harmonic distortion, 60, 62, 63, 65, 147, 155,
291

Holding mode, 58—62, 65, 67-69

Hold step, 61

Holes, 2, 3, 11

Hot carrier effect, 6

Hot-electron effect, 252

HSPICE, 130

|
Incremental ADC, see Converters, data
Inductor, 224
Infinite-impulse response (IIR), 75, 76
Injection, charge, see Charge injection
Input offset storage, 259-261
Integral nonlinearity error (INL), 142, 143, 146,
149, 150, 158, 166, 167
Integrated circuit (IC), 1, 15, 27, 224, 248, 251,
278
Integrating ADC, see Converters, data
Integrators:
active-RC integrator, 40, 41
backward-Euler integrator (BEI), 47, 51, 53, 54,
56, 57

bilinear SC integrator, 41-43, 45-47, 49, 51, 53,
56, 57, 82
damping SC integrator, 58
delayed integrator, 72, 198
double-sampled integrator, 56, 57
forward-Euler integrator (FEI), 44, 50, 54, 56,
57
fully differential integrator, 53—58
inverting integrator, 40, 51
lossless discrete integrator (LDI), 45, 47,
50-54, 56
noninverting integrator, 51, 53
parasitic-insensitive SC integrator, 48—53
parasitic-sensitive SC integrator, 40—48
very-large-time-constant (VLTC) SC integrator,
58
Intercept point, third-order (ITP3), 274, 275, 282,
301, 302, 305
Interpolating factor, 167
Interpolating flash ADC, see Converters, data
Interpolation factor, 70, 72
Interpolative modulator, 199
Interpolator, SC, 69-73
Inversion, 3, 4, 11, 12, 54, 57, 263
Inverter, 68, 97, 241, 251, 254, 295

J
Jitter, 60, 62—64, 144, 148, 149, 168
Junction, 10, 61, 116, 233, 257

K

KT/C (sampling) noise, 8, 9, 100, 209, 250,
291

L

Latch, 164, 167, 300, 301

Latch-up, 2, 231, 233, 241, 252, 254, 257

Latency, 171, 174

Layout, 12, 34, 35, 52, 95, 113, 186, 188

Lead compensation, 16, 17

Leakage, 3, 9, 32, 54, 64, 65, 156, 203, 204, 229,
231, 236, 252, 276

Least significant bit (LSB), 140-150, 153, 156,
158, 160, 166, 167, 170, 171, 174, 179, 183,
185, 188, 190, 191
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Linearity, 5, 64, 137, 142, 146, 177, 197, 200,
205, 257, 273-275, 281

Lossless discrete integrator (LDI), see
Integrators

Low voltage SC circuits, 247-257

M

Mason’s rule, 78-81, 92

Matching accuracy, 35, 148, 153, 157-159, 166,
188

Matching error, 161, 205, 292

MATLAB, 17, 24, 82, 83, 101, 114, 196, 208,
213

Miller capacitor, 16, 18

Miller compensation, 16

Miller holding capacitance, 66, 69

Mismatch (error), 12, 35, 113-115, 139, 153,
158-162, 166, 176-180, 183, 188,
203-206

Missing code, 145, 147, 177

Modeling, device, 6, 10

Modulation, channel-length, 7

Modulator, delta-sigma (AX), 188-216, 271-305

Moore’s law, 5

MOS, 1-7

MOSFET, 1, 7-12

Most significant bit (MSB), 140, 153, 170, 174,
179, 183, 185

Multiple-gain SC DC-DC converter, see
Converters, power

Multiple-lift SC converter, see Converters, power

Multiplexer, 206

Multiply-by-two amplifier, 182—185

Multiplying digital-to-analog converter (MDAC),
see Converters, data

N

NAND gate, 164

NMOS, 2

Noise bandwidth, 9

Noise figure (NF), 275

Noise shaping, 190-196

Nonoverlapping clock, 29, 41, 159, 183, 240
N-well, 3

Nyquist rate, 9, 69, 115, 138, 188, 206

Nyquist-rate ADC, see Converters, data
Nyquist-rate DAC, see Converters, data

(@)

Offset (error), 3, 53, 59, 65, 67, 68, 96, 139,
141-146, 155, 166, 174-179, 184,
258-264

Operational amplifier (op-amp), 15-25

Operational transconductance amplifier (OTA),
295-301

Oscillator, 35, 51, 224, 242, 261, 277

Output buffer, see Buffer

Output offset storage, 259-261

Oversampling, 9, 138, 161, 188, 206

Oversampling converter, see Converters, data

Oversampling ratio (OSR), 57, 138, 189, 190,
193-195, 205

Oxide breakdown, 6

P

Parasitic capacitance, 33, 43, 45-52, 70, 95, 117,
151, 155, 166, 225, 227, 228, 231-234

Pedestal error, 62

Phase lag, 17, 45

Phase lead, 17

Phase-locked loop (PLL), 225

Phase margin (PM), 15, 17, 21, 23, 66, 109, 299

Phase shift, 41, 44, 45, 47, 48, 50, 51, 288

Pinch-off, 4, 6

Pipelined ADC, see Converters, data

Pipelined DAC, see Converters, data

PMOS, 2

Pole frequency, 19, 21, 37, 45

Pole splitting, 17, 24

Pole-splitting compensation, 16

Polysilicon, 1, 12, 33

Power conversion, 224

Power converter, see Converters, power

Power management, 223

Process, CMOS, 2, 12, 21, 34, 35, 61, 113, 231,
250, 251, 257, 276, 279, 301

Process-independent design, 6

Programmable capacitor array, 39, 40

Programmable SC filer, 39

Pulse-frequency modulation (PFM), 242, 243
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Punch-through, 6, 252
Push-pull, 225, 250

Q
Quadrature, 273, 274, 280

Quality factor (Q), 36-39, 99, 224, 264, 275

Quantization, 162—165,

Quantization, single-bit, 197-204, 293

Quantization, multibit, 138, 204-206

Quantization noise/error, 9, 74, 138, 145,
147-150, 166, 170, 172, 176, 189-205,
273, 279, 283, 286, 288, 291

R
Ratio-independent technique, 160, 183-185
Reference charge value, 162
Reference current, 162
Reference refreshing technique, 162
Reference voltage, 54, 162, 165, 187, 242, 257,
274, 287, 294, 295
Regions:
active, 4, 5
depletion, 3, 11, 12
inversion, 3, 4, 12
saturation, 4, 6
subthreshold, 4
triode, 4, 5, 7, 9, 16, 112
weak inversion, 4
Reset capacitor, 155
Reset mode, 155, 186, 187, 300
Reset-op-amp technique, 257
Reset switch, 156, 175
Resistors,
SC simulations of, 28—40
physical, 27, 28, 35, 101
Resistor interpolating structure, 167
Resistor-string DAC, see Converters, data
Resolution, 141, 143, 145-151, 166-169, 171-176,
178, 181, 183, 185, 186, 190, 194, 195,
205, 273
Right-half-plane (RHP) zero, 17, 24
Ring oscillator, 51
Root mean square (RMS) value, 60, 64, 144,
147, 183, 281

S

Sample-and-hold (S&H), 32, 51, 58, 89, 144,
157, 162

Sampling mode, 59-61, 65, 67-69

Sampling time uncertainty, 144, 148, 149

Scaling of MOS transistor, 5-7

Semiconductor, 1, 2

Settling time, 8, 60, 110, 112, 150, 153, 257, 291

Short-channel effect, 6, 248

Signal bandwidth, 76, 93, 97, 117, 137, 167, 189,
198, 205, 251, 273, 280, 289, 302

Signal-flow-graph (SFG) analysis, 77-81, 90, 92,
97

Signal-to-distortion ratio (SDR), 61, 62, 64

Signal-to-noise-plus-distortion ratio (SNDR), 62,
114, 116, 147, 172, 274, 282, 289, 290,
302, 304, 305

Signal-to-noise ratio (SNR), 60-62, 144,
147-149, 190, 193-197, 200, 204-207,
250, 273-275, 282-284, 286288, 292,
305

Signal-to-quantization-noise ratio (SQNR), 138,
189, 190

Sinc response, 32, 63

Slew rate, 15, 18, 65-69, 108, 109, 111, 112, 155,
215, 257, 289, 290

Source, current, 151, 153, 157, 158, 161, 162,
188, 205

Source follower, 64

Spurious-free-dynamic range (SFDR), 172, 275

Startup, 228, 229, 233

Step-down converter, see Converters, power

Step-up converter, see Converters, power

Subsampling, 76

Substrate, 2, 3, 9, 11

Subthreshold region, 4

Successive-approximation ADC, see Converters,
data

Successive-approximation register (SAR),
185-187

Superposition, 46, 48, 56, 77

SWITCAP, 46-48, 82, 106, 107, 114, 122, 125,
196, 209

Switch on-resistance, 7, 8, 60, 61, 64, 112, 224,
233, 235, 250, 291
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T

Telescopic op-amp, 19, 20

Telescopic topology, 295

Test, beat-frequency, 63

Test, best-fit, 142

Thermal noise, 8, 9, 259, 261, 286, 287, 291, 302

Thermometer code, 139, 140, 145, 153, 164, 166

Threshold voltage, 3, 7, 8, 11, 12, 61, 62, 178, 179,
226,228, 231, 234, 248, 250, 251, 254

Time-interleaved ADC, see Converters, data

Time-interleaving, 237

Tones, 172, 206, 225, 243

Total-harmonic-distortion (THD), 117

Track-and-hold (T&H), 58

Transconductance, 4-6, 17, 19-21, 289

Transformer, 224

Transmission gate, CMOS, 7, 8, 10, 58, 64, 113,
249, 294

Triode region, 4, 5, 7, 9, 16, 112

Tuning, 51, 277

Two-stage op-amp, 15-18

Two-step ADC, see Converters, data

U

Ultra-wideband (UWB), 137, 138, 167

Unity-gain bandwidth (UGBW), 18, 21, 108-111,
117, 289-291, 295, 299

Unity-gain buffer (UGB), 67, 116118,
304

Unity-gain-reset-op-amp, 257

Upsampler, 70

\%

Velocity saturation, 6

Very-large-time-constant (VLTC) SC
integrator, see Integrators

Voltage buffer, see Buffer

Voltage-inverter-switch (VIS), 97

W
Weak inversion, 4
Well, see N-Well

Wireless communications, 72, 116, 137,

138, 172, 207, 271, 273

X
XOR gate, 180

Y
Yield, 97, 174

Z
Zero, right-half-plane (RHP), 17, 24
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