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Preface

The design of mixed signal integrated circuits is of continuing interest. The most
important analog blocks in these are A/D converters, D/A converters, and filters.
The art of analog filter design has been documented in several classic books used in
academic institutions worldwide. Some books have focused completely on one
particular topic, such as switched-capacitor filters, current-mode filters, or active
RC filters (based on opamps). Some books have covered all or a few of these. To the
author’s knowledge the most recent book appeared in 2005.

More recent industry requirements in mixed signal chips include low-voltage
operation, low power requirement, and high-frequency operation. Many specialized
techniques will be needed to achieve these objectives. These interesting and
innovative techniques are documented in reputable journals such the IEEE Journal
of Solid-State Circuits and IEEE Transactions on Circuits and Systems, among
others. Hence, introducing these into the curriculum is of utmost importance so that
students may graduate with up-to-date knowledge to cater to the needs of industry.
In addition, it has become important to teach most relevant information in the short
space of one or two semesters while giving sufficiently broad coverage of the
various topics.

This book is an effort in this direction. Contemporary designs of VLSI analog
filters can be classified into active RC filters, OTA (operational transconductance
amplifier)-C filters, SC (switched-capacitor) filters, log-domain filters, MOSFET-C
filters, current-mode filters using devices such as current conveyors or current
feedback amplifiers, and so on. Among these perhaps the most popular have been
the first three because of the possible ease of design, implementation, and versatil-
ity; good high-frequency performance; and the ability to work at low power supply
voltages and in an acceptable dynamic range. In this book, we focus on these three
areas.

The structure of the book is as follows. In Chap. 1, a general introduction to the
subject of VLSI analog filters is presented. Chapter 2 deals with active RC filters

ix



X Preface

starting from amplifiers and first-order filters and considers the effect of
nonidealities of the opamp and techniques for compensation of these nonidealities.
Second-order active RC filters using a single amplifier, two opamps, and more
opamps are covered. Only popular structures are considered with analysis presented
on sensitivity to passive components and effect of opamp bandwidth. Techniques of
using the finite bandwidth of opamps in active filter realization to eliminate one or
both capacitors needed in a biquad realization are also considered in detail. Active
RC filter design based on component simulation and operational simulation of LC
ladders as well as multiloop feedback filters are considered. Noise analysis and
distortion analysis are also described. Designs that can take advantage of differen-
tial output amplifiers are also described.

In Chap. 3, active filter design using OTAs and capacitors is described in detail.
First-order filters, second-order filters using grounded capacitors, and filters derived
through component simulation are studied in detail. Filters using OTAs with dual
current outputs and with current outputs are also studied in detail. High-order filter
design using some recently described analytical synthesis techniques is considered
as well. The effect of nonideal frequency response of OTA and noise of OTA-C
filters is discussed for various filters.

Chapter 4 deals with SC filters. The concepts of switched capacitor filter and the
method of analysis using Laker’s equivalent circuit are described so as to enable the
reader to derive digital transfer functions of various filters. Second-order stray-
insensitive filters are considered in detail since they are the most popular in
industry. The optimal design of these filters to reduce area/capacitor spread/
sensitivity is considered. High-order SC filters based on operational simulation
are described in detail. Recent designs extend the frequency of operation of SC
filters by using a variety of interesting techniques such as N-path filters, double-
sampling, and precision opamp gain (POG). All these techniques are described in
detail. The analysis techniques for the nonidealities in SC filters such as opamp
offset, switch clock feedthrough, charge injection, distortion, finite gain, and
bandwidth of the opamp, foldover noise, and opamp 1/f noise are described in
great detail together with compensation techniques. Due to the most popular
application of SC circuits being in oversampled A/D converters, a section deals
exclusively with the architectures and performance-related issues. The design of
low-voltage SC filters is also considered for completeness.

Several innovative designs using the techniques considered in Chaps. 2, 3, 4, and
5 have been fruitfully employed in many contemporary integrated system-on-chip
(SOC) designs. In Chap. 5, several recent application-specific designs have been
surveyed in order to illustrate how the theory can be applied in practice.

The book has several illustrations to explain the concepts clearly and has an
extensive bibliography. Several WINSPICE-based simulation examples have been
provided in Chaps. 2, 3, 4, and 5 so that the performance of the various circuits can
be analyzed. The book can be used for self-study or prescribed as a textbook. The
only prerequisite is a basic course in circuit analysis, and a basic knowledge of DSP
fundamentals.



Preface xi

The author wishes to thank Sridevi Joshyula, Ramakrishna Kumar, and Shivarama
Kumar, Srinivas Joshyula and Mahathi Ramakrishna for their patience, encourage-
ment, and affection. The author wishes to thank Electronics Corporation of India
Limited for providing a vibrant environment conducive to academic and research
endeavors. The author also wishes to thank Tom Grasso and Ben Cronin of
Birkhauser for their patience and encouragement and the reviewers for their
incisive reviews and comments which have improved the quality of this work.

Bangalore, India P.V. Ananda Mohan






Contents

1 Introduction. ......... ... .. . . . ... ..
1.1 Problems in Integration of Analog Filters..................
1.2 Filter Design Approaches. . ......... ... ... .........

1.2.1 LCHFilters. ... ... i
122 Active RCFilters. . ............................
1.2.3 Active R and Partially Active R Filters. . .. ..........
1.24 SCFilters. . . .o e
1.25 OTA-C(Gy-O)Filters. .. ...
1.2.6 MOSFET-CFilters. . ... ...t
1.2.7 Log-Domain Filters. ...........................
1.2.8 Current-Mode Filters. .. ........................
References. .. ... . .

2 Active RC Filters Using Opamps. . .. ......................
2.1 Amplifiers Using Opamps . . . . . ..o oottt
2.2 Integrators Using Opamps. . . .. ..o vt iiinn et
2.3 First-Order Filters Using Opamps. . ... ..................

23.1 Low-PassFilters........... ... ... ... . ... ...
2.3.2 First-Order All-Pass Filters. . .. ..................
2.4 Sallen—Key Active RC Low-Pass Filter. . . ................
2.4.1 Effect of Finite Gain of the Opamp.................
2.4.2 Effect of Finite Bandwidth of the Opamp............
2.4.3 Active Compensation of Sallen—Key Filter
withK=1......... .. . . ..
244 Sensitivity Analysis. .. ...
2.5 Second-Order Filters Based on Multiple Feedback . . .........
251 Friend’sBiquad........... ... ... ... ... ... . ...
2.5.2  Multiple Feedback-Type Low-Pass Filter
DuetoFriend......... ... ... ... ... ... .....
2.5.3 Active Filters Using Single Fully
Differential Amplifier. . . ................... . ...

0 OO0 NN R RN =

35
36
4
4
46

53

Xiii



Xiv

Contents

2.6 Biquads Using Two Opamps..........................
2.6.1 GIC-BasedBiquads..........................
2.6.2  Two-Amplifier Biquads Derived from
Single-Amplifier Biquads. . ................. ...
2.7  Biquads Using More Than Two Opamps. .. ..............
27.1 KHNBiquad.................. ... ... ...
272 Tow-Thomas Biquad.........................
2.7.3  Akerberg—Mossberg Biquad . . . ........... ... ..
2.7.4  Scaling for Optimal Dynamic Range . .............
2.7.5  Variants of Tow—Thomas and KHN Biquads........
2.7.6  Tarmy—Ghausi—-Moschytz Three Opamp
Biquad and Its Variations . . .. ..................
2.8  Second-Order Active Filters Using Amplifier
Pole and One Capacitor. . . . ........... it .
2.8.1  Using Single Capacitor. . . .....................
2.8.2  Second-Order Filters Using Only Resistors
and AmplifierPoles. . ............... ... .. ...
2.9  Active Filters Based on RLC Ladder Filters. . .............
29.1  Component Simulation Technique. .. ............
29.2 FDNR-BasedFilters..........................
2.9.3  Active RC Ladder Filters Based
on Operational Simulation. . ...................
294  Operational Simulation of High-Pass Filters:
Yoshihoro’s Technique . . . . ...................
2.9.5  Operational Simulation of General-Parameter
Ladder Filters. ... ..... ... ... ... .. ....
2.10 Multiloop Feedback-Based Active RC Filters. ... ..........
2.10.1 FLF (Follow-the-Leader Feedback)...............
2.10.2 PRB (Primary Resonator Block) Structure . . .. ......
2.10.3  SCF (Shifted Companion Form) Structure . . ... .....
2.10.4 Multiloop Feedback (MLF) Structure. . .. .........
2.10.5 [IFLF (Inverse Follow-the-Leader
Feedback) Structure . . . ........... ... ... ......
2.10.6 MSF (Minimum Sensitivity Feedback)
Structure . . . ...
2.11 Noisein Active RCFilters. ... .................... ...
2.12 Distortion in Active RCFilters. . .. ................. ...
213 Problems. . ...
References. . ... ... .. .

OTA-CFilters. . ...... ... i

3.1  OTA-CINtegratorS. . .. .. .......euuuunnneeeeeennnn.

3.2  First-Order OTA-CFilters. . . .. .......... .. ...
3.2.1  First-Order OTA-C Filters Using OTAs

with Single-Current Output. . . .................



Contents XV
3.2.2 First-Order Filters Using OTAs with Current
Input and Current Output. . . ....... ... ......... 152
3.3  Voltage-Mode Second-Order OTA-C Filters. . .. ... ....... 154
3.4  Current-Mode Second-Order OTA-C Filters. . .. ........... 166
3.5 OTA-C Filters Using First-Order All-Pass Sections. . . ... ... 189
3.5.1 OTA-C Filters Derived from Tarmy—Ghausi
Active RCFilter. .. ........ . ... . ... .. ... 189
3.5.2 Second-Order All-Pass OTA-C Filter
Realization Derived from Mitra—Hirano
and Gray—Markel Structures. . ................... 195
3.6 High-Order OTA-CFilters. . .......... ... ... ... .. 197
3.6.1 Inductance Simulation Using OTAs. ... ........... 197
3.6.2 Voltage-Mode OTA-C Filters Derived
from RLC Ladder Filters Using Component
Simulation. .. ... ... . 198
3.6.3 Table-Based Linear Transformation
Type OTA-C Filters Based on Ladder Filters. . . . . . .. 202
3.6.4 Current-Mode OTA-C Filters Based
onRLC Ladder Filters. . . ...................... 209
3.7  Multiple-Feedback-Type OTA-C Filters. . .. .............. 216
3.8  Analytical Synthesis-Based OTA-C Filters. . .............. 219
3.9  Effect of OTA Nonidealities. . . ....................... 223
3.10 OTA-COscillators. . ......... ... 227
3.11 Derivation of Voltage-Mode OTA-C Filters
from Active RC Filters and Current-Mode
OTA-C Filters from Voltage-Mode OTA-C Filters. . ........ 232
3.12 Distortionin OTA-CFilters. . . . ................... ... 235
3.13 Noise Analysis of OTA-C Biquads. . ................... 239
3.14 Problems. . ... ... 245
References. .. ... ... . 246
4 Switched Capacitor Filters. . .. ........ ... . ... . ... ...... 251
4.1  Basic Concept of Switched-Capacitor Resistor. . ... ........ 251
42 Analysisof SCFilters. . ................ ... .. ... ..... 254
4.2.1 Laker’s z-Domain Equivalent Circuit Method . . . .. ... 254
4.3  First-Order SCCircuits . . . . ...ttt 257
4.4  Stray-Insensitive SCBiquads. . .. ........ ... ... .. ... 262
4.4.1 Fliescher-Laker SCBiquad..................... 262
442 DesignProcedure................... .. ..., 264
4.4.3 Capacitor Spread Evaluation. . ................... 265
4.4.4 Sensitivity Evaluation. . . ......... ... .. ... . ... 267
4.5  Multiplexed Single-Amplifier SCFilters. . ... ............ 268
4.5.1 Parasitic Compensated SC Biquads. . .............. 268

4.5.2 Multiplexed Single Opamp High-Order
SCFilters. . . ... . e 270



XVi

4.6

4.7
4.8

4.9

4.10
4.11
4.12

4.13
4.14

4.15
4.16

4.17

Contents

Improved SCBiquads. . ............... .. ... ... .. ...
4.6.1  Multiplexing of Capacitors. . .. .................
4.6.2  Split-Integrating Capacitor Technique . . ...........
4.6.3  Nagaraj’s SC Filters with Low

Capacitor Spread . . . . ... ... i
4.6.4  T-Cell Integrator-Based Biquads . . .. .............
Optimal Design of SCBiquads. . . .....................
SC Ladder Filters Based on Component
Simulation and Operational Simulation. . ................
4.8.1 SC Realization of L, C,and R Elements. . . ... ... ..
4.8.2  SC Low-Pass and Band-Pass Filters

Derived Using Operational Simulation

of LCLadder Filters. .. .......................
4.8.3  SC High-Pass Filters Derived Using

Operational Simulation of LC Ladder Filters. . ... ...
High-Frequency SCFilters. . . ......... ... ... ... ....
4.9.1  SC Filters Using Double Sampling Scheme . . . ... ...
4.9.2  SC Filters Based on POG

(Precise Opamp Gain) . . . . ...,
493 SCN-PathFilters.............. ... ..........
High-Frequency SC Ladder Filters. . . ...................
SCFIRFilters. . ....... ... .. i i
Compensation of Finite Gain and Offset Voltage
of SC Integrators and Amplifiers. ... ...................
4.12.1 Offset and Finite Gain Compensation

inIntegrators. . . ...t
4.12.2 Compensation of Opamp Offset

and Finite Gain in SC Amplifiers. . ... ...........
Distortionin SCFilters. . ... ...... ... . ... . ... ...
Low-Voltage SC Filter Design Techniques. .. .............
4.14.1 Switched-Opamp Technique-Based SC Filters. . . . . ..
4.14.2 Clock Boosting Technique . . .. .................
4.14.3 Local Switch Bootstrapping . . . .................
4.14.4 Reset-Opamp Technique . . .. ..................
4.14.5 BIOC (Biased Inverting Opamp Configuration)

Based SCFilters. . ......... ... ...
Noisein SCFilters. . ...... ... ... .. .. ...
Effect of Finite Bandwidth of Opamp on the
Performance of SCFilters. . . .........................
4.16.1 Effect of Opamp Bandwidth on SC

Filters Using Opamps . . . . . ..o oot
4.16.2 Effect of Opamp Bandwidth on SC Filters

Using OTAS . . . .o i e e
Charge Injection in MOS Switches. . .. .................



Contents XVii

4.18 SC Sigma-Delta Modulators. . .. ...................... 382
4.18.1 First-Order and Second-Order Modulators. . ... ..... 382
4.18.2 High-Order Sigma-Delta Modulators. . . ........... 387

4.18.3 Practical Considerations in the Design
of Sigma-Delta Modulators . . . .................. 403
4.18.4 Band-Pass Sigma-Delta Modulators. . . ........... 411
419 Problems. ........ ... ... 424
References. . . ... 432
5 Practical Designs of VLSI Analog Filters. .. ................. 439
5.1  Integrated Resistors and Capacitors. .. .................. 439
5.2 Active RC Filter Designs for Wireless Applications. ... ... .. 440
5.3 Active RCFiltersfor ADSL. . ....... ... ... ... ...... 462
5.4  Active RC Filters for Software Radio. . ... .............. 465
5.5 Active RC Filters for Other Applications. . ............... 466
5.6  G,,-C Filters for Wireless Applications. . .. .............. 478
5.7  Gy-C Filters for Optical Receivers. .. .................. 515
5.8  G,,-C Filters for Software Radio. . . .................... 515
5.9  Gy-C Filters for EEG Application. . .................... 522
510 Gy-CFiltersforHDD.......... ... ... . ... ... ....... 523
5.11 Gy,-C Filters for Power Supply Applications. . . ... ........ 529
5.12 G,,-C Filters for Other Applications. . . .................. 532
5.13 Gy,-C Filter Tuning Techniques. . ... ................... 571
5.14 SC Filters Using Comparators . . . . .. .......c.oveennn. .. 578
5.15 Sigma-Delta Modulators. . . .............. ... .. ...... 582
506 LCFIers. ..ot 591
5.17 Evaluationof CTFilters. . ................... ... ..... 598
5.8 Problems. . ... e 600
References. ... ... .. . 604
AppendiX A . ... e 609
Appendix B. . ... .. L 613






Chapter 1
Introduction

The reader may be aware that today in all the appliances we use in our everyday
lives such as cell phones, digital cameras, and DVD players there is emphasis on
very large scale integration. The challenge of realizing complex mixed-signal
systems (containing both analog and digital subsystems) in a small area with
small power consumption, small weight, and the capability to work at very high
frequencies of a few hundred megahertz are successfully being addressed. More-
over, the complete mixed-signal system has to be realized in silicon since it is an
economical and easily available process technology compared with other process
technologies such as gallium arsenide and the like. Today, radio frequency CMOS
in silicon is a well-investigated area [1.1].

There has also been more emphasis on digital signal processing (DSP) since the
digital signal processing—based designs can be easily programmed if necessary and
most functions can be realized digitally with minimum dependence on expert
analog designers. Of course, since the signals we normally encounter are analog,
such as speech, audio, video, picture, and the like, there is a need for analog front-
ends. These need to perform the jobs of amplification, antialiasing filtering, coding
(or analog/digital conversion) at the input and similarly decoding (or digital/analog
conversion) and smoothing using filters at the receiving end, as shown in Fig. 1.1.

There have been several innovations in the previous four decades to realize the
analog front-ends efficiently. Filters form an important part of the front-end. In this
book, we focus on the design and implementation aspects of filters in CMOS very-
large-scale integration (VLSI) technology. Several books have been written on
continuous-time filters covering the various types of techniques available: active
resistor—capacitor (RC) filters using operational amplifiers (opamps, or OAs), log-
domain filters using bipolar transistors, or operational transconductance amplifier
(OTA) -capacitor (G,,-C) filters using OTAs. Discrete-time filters such as switched
capacitor (SC) filters using CMOS opamps and switched-current (SI) filters also
have been extensively investigated.

Although the opamp continues to be quite popular among filter designers,
several new devices have been discovered over the years, especially for operation
in current mode, and these have been used with some degree of success. Some of

P.V.A. Mohan, VLSI Analog Filters: Active RC, OTA-C, and SC, 1
Modeling and Simulation in Science, Engineering and Technology,
DOI 10.1007/978-0-8176-8358-0_1, © Springer Science+Business Media New York 2013
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Fig. 1.1 A typical mixed-signal VLSI chip architecture

these are current conveyors (CCs), current feedback opamps (CFOAs), and current
input differencing amplifiers [1.2].

In this book, we start from basic circuits such as amplifiers and first-order filters
and develop from these structures for realizing high-order filters. Because of the
tolerances of realized components in the standard VLSI fabrication processes, the
evaluation of sensitivity of the filter parameters to pole-frequencies and pole-Q,
zero-frequencies, and zero-Q are very important. Other important issues such as
dynamic range, noise computation, evaluation of distortion, estimation of area, and
element spread (of capacitors, resistors, transconductances, etc.) are also relevant
and addressed in this book. The sensitivity and noise analysis techniques described
do not change with the design approaches used in the realization of filters and can
be easily applied to future evolution as well.

We make some introductory remarks in the next few sections that are applicable
to the various techniques described in this book in later chapters.

1.1 Problems in Integration of Analog Filters

The difficulties faced in integration of analog filters and the requirements are well
documented [1.3, 1.4, 1.5, 1.6]. These are briefly as follows.

Frequency response stability: The frequency variations due to temperature
variations, and fabrication tolerances shall be reduced to much less than 1%.
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Fig. 1.2 Filter tuning methods (a) direct; (b) indirect

This may necessitate the use of automatic tuning in the case of OTA-C or
continuous-time filters. Several tuning methods are available using direct or indi-
rect methods. In the direct method shown in Fig. 1.2a, the filter is disconnected from
the actual system and tuned using an off-chip reference. In the indirect method
shown in Fig. 1.2b, there is no need to disconnect the filter from the main signal-
processing chain. Using a similar replica filter constructed in the same environment
in close proximity and tuning it, the control signals can be derived for the main
filter. The two filters are believed to track well. The off-chip stable reference could
be a low-temperature-coefficient resistance or a frequency of a crystal oscillator.

High-frequency performance: Parasitic capacitances as well as deteriorated high-
frequency response of transistors can cause severe deviations in the realized
frequency response. These put limits on the maximum frequency of operation.

Quality of passive components [1.7]: The Q of the inductors can be quite low due
to the finite but not negligible series resistance of the inductors as well as resistance
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of the substrate. The parameters of spiral inductors depend on the line width,
spacing, number of turns, size of opening in the middle, and the type of shield placed
under the inductor. Typical values of realized inductances are 2—1,000 nH. The loss
of the inductors can be compensated using negative resistance in the circuit.

Resistances of 20-100Q per square can be realized easily. The matching
accuracy of resistors can be about 0.4% by using suitable layout techniques.
The temperature coefficients are typically on the order of 1,500-8,000 ppm/°C.
The voltage coefficient of the realized resistances can be about 100-200 ppm/V.
High-quality capacitors can be made and good matching can be achieved so that
ratios can be accurately realized. The value of a resistor x can be expressed as a
function of voltage across the resistor V as x =x,(1 + o,V + #,V?). Note that the
linearity of the resistors improves with their length.

Capacitors of various types are available with high capacitance per unit area.
The fabricated capacitors of values ranging from 0.02-2.7 fF/um? can be realized.
The matching accuracy of capacitors can be in the range 0.05-1.5% [1.8]. The
temperature coefficients will be typically on the order of 20-50 ppm/°C. A high
ratio of actual capacitance to parasitic capacitance can be achieved with proper
layout. The plate of the capacitor with least parasitic capacitance is called the
bottom plate and the other is called top plate.

In addition to device area, other characteristics such as cleanliness of the process
determine the magnitude of mismatches.

Signal-handling capability: Due to the main reason that the power supply voltages
are becoming very low, achieving large signal swing needs specialized techniques.

Noise: Resistors and active devices such as opamps, transistors, and OTAs generate
active and passive noise. Circuit design techniques to minimize noise are available
so that the required dynamic range can be met in spite of lower power supply
voltages.

1.2 Filter Design Approaches

Several design approaches are available for the design of integrated analog filters
[1.9]. These are briefly described next and some of the approaches are studied in
detail in Chaps. 2, 3, and 4.

1.2.1 LC Filters

Historically, LC filters were the first to be used extensively in telecommunication
applications. The main advantages of LC filters are the low noise, high linearity,
lack of power dissipation, and availability of powerful design tools. However, the
problems of integrated inductors mentioned earlier especially the low-Q have
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Fig. 1.3 Sallen—Key active RC filter

barred their use. Interestingly, however, RF CMOS designers prefer these once
again and have devised several techniques such as lightly doped substrates [1.10,
1.11, 1.12] to overcome the limitation of low-Q (typically 5-10) of the fabricated
annular or spiral on-chip inductors of a few nano-Henries using Q-enhancement
through active devices.

1.2.2 Active RC Filters

Active RC filters using opamps [1.9] were extensively investigated and continue to
be in use in the front-end of most analog ICs today. The designs are standardized
and based on analysis of sensitivity to passive components, opamp nonidealities
such as finite gain and finite bandwidth, opamp noise, and power dissipation
(number of opamps); vast choice is available to the designer. Tradeoff of active
and passive noise is possible. The linearity of the active RC filters is quite good due
to the excellent linearity of the resistors. Some of the active RC filter structures may
not be suitable for VLSI implementation since parasitic capacitances at various
nodes in the active RC filters may affect the performance. However, in situations
where the tolerance of components is not a problem such as antialiasing filters,
active RC filters (see, e.g., Fig. 1.3) are the most popular choice.

Active RC filters of second-order (in the case of high odd-order filters, one
first-order filter) are cascaded to realize high-order filters. High-order active RC
filters can be derived from RLC filters using component simulation or operational
simulation. In the component simulation technique, inductances are realized by
opamps, resistors, and capacitors. On the other hand, in the operational simulation
method, the internal working of the RLC filter is mimicked by realizing the nodal
equations exactly. High-order filters based on multiple-loop feedback also have
been extensively studied. More recently, new features such as availability of
differential outputs have led to interesting new structures as studied in a later
chapter. The existing body of knowledge on active RC filters has helped the easy
generation of filter structures for other subsequent filter design methods.
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1.2.3 Active R and Partially Active R Filters

The effect of opamp bandwidth on active RC filters has been studied extensively
and several techniques to correct for the deviations in pole-frequency and pole-Q
using predistortion, passive compensation (using additional passive components
resistors or capacitors), and active compensation (using additional opamps) have
been proposed. These may increase power dissipation and reduce the dynamic
range. As an alternative to compensation, converting the nonideality—finite band-
width to a possible advantage was also considered. An opamp with finite bandwidth
is basically an integrator, therefore designers tried to eliminate one integrator in
a second-order filter by using the inherent pole of the opamp. This led to partially
active R filters (see Fig. 1.4a) needing only one capacitor per pole pair. More
recently, this technique has been exploited to realize filters for very high
frequencies for GSM handsets. These are discussed in detail in Chap. 2. All these
filters that use resistors or capacitors invariably need the use of precision discrete
components with low tolerances <1% and often need tuning of the resistors using
techniques such as laser trimming in thick film hybrid circuits to bring them nearer
to the correct values. In contemporary designs, tuning is performed using an array
of resistors and capacitors and selecting some of these using digitally controlled
switches [1.13].

Designers were later tempted to do away with the capacitors altogether and
exploit the bandwidths of two opamps to realize second-order filters. Typical active
R filters [1.14] are shown in Fig. 1.4b. The interesting aspect of active R filters
is the dependence of pole-Q on ratios of resistors or ratios of bandwidths of
opamps. Unfortunately, however, the pole frequency is dependent on the product
of bandwidths of both opamps and is prone to variation with power supply voltage
and temperature. Interestingly, a technique for tuning these filters [1.15] in order to
realize the desired specifications was first investigated in connection with the active
R filters which become an indispensable block for continuous-time filters. This
method was illustrated in Fig. 1.2b.

1.2.4 SC Filters

The need for tuning continuous-time filters in order to realize the desired
specifications needs additional hardware. This can be avoided by using a SC
technique. The SC technique [1.16, 1.17, 1.18] uses only switches and small
capacitors to realize large resistances (see Fig. 1.5). Moreover, the pass-band
width and center frequency are tunable using a clock frequency. This property is
known as frequency translation. Moreover, these filters can be tuned to realize
desired gain, pole-frequency and pole-Q, zero frequency using digital control of
programmable capacitor arrays. The advent of the SC technique has revolutionized
filtering techniques as well as A/D and D/A conversion techniques and is still a
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Fig. 1.4 (a) A partially active R filter, and (b) an active R filter
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Fig. 1.5 A switched capacitor used to realize a resistor with two-phase switching waveforms
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preferred choice for implementation. Ingenious techniques to enhance performance
such as double-sampling, N-path filter technique, offset and gain compensation,
fully differential structures, and low-voltage operation are currently available. SC
filters have their own disadvantages due to switch nonidealities such as clock-
feedthrough, foldover noise, and opamp nonidealities such as offset voltage, noise,
finite gain, and bandwidth. However, solutions to combat these are also available.
In Chap. 3, we focus on SC filters in great detail.

1.2.5 OTA-C (G,-C) Filters

Although SC filters are quite popular, their limitation has been the noise level, need
for clock and inability to realize very-high-frequency filters. Hence alternative
design methods that use operational transconductance amplifiers have been devel-
oped. Note that SC filters also use OTAs since capacitive load only needs to be
driven thus avoiding a low impedance output stage present in opamps. The G,,-C
filters using transconductance elements (voltage to current converters) have been
used for quite some time. More recently, multiple-output G,,s have been employed
in order to realize more flexibility, multiple outputs, current, or voltage mode
operation. The OTAs are basically voltage-to-current converters and are also called
G, blocks. These can be tuned using control voltage or current and can be stacked
to realize higher values. A G,,-C integrator is shown in Fig. 1.6a and an active RC
integrator is shown in Fig. 1.6b. For the same capacitance, and considering G, =
G =1/R, the RC integrator typically has 2-3 times lower noise than a G,,-C
integrator. Alternative structures that replace resistors by Gy,s in active RC
integrators are also available (see Fig. 1.6¢) [1.3, 1.4, 1.5, 1.6]. These are known
as G,-C-opamp filters. Fully balanced structures are usually preferred so that the
filters are insensitive to parasitic interference coupled through substrate and power
supply and ground lines.

1.2.6 MOSFET-C Filters

Other techniques for realizing continuous-time filters were also proposed and
implemented. These use the very old idea of replacing a resistor with a MOS
transistor. However, using fully differential structures, the even-order nonlinearity
of such simulated resistors can be cancelled. These were termed MOSFET-C filters
[1.3, 1.4, 1.5, 1.6] (see Fig. 1.6d). These can be tuned using the control voltage (gate
voltages) of the MOSFETs. The linearity of these may not be as high as that of
active RC filters.
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Fig. 1.6 (a) G,,-C integrator; (b) active RC integrator; (¢) G,,-C-opamp integrator; (d) a
MOSFET-C integrator

1.2.7 Log-Domain Filters

Other techniques are also available for continuous-time filter design that allow
internal nonlinear operation of devices, and viewed as block boxes externally, they
are linear. This is made possible by compressing the signal, realizing the filtering,
and expanding the signal back. This may have advantage in the ICs needing low
power supply voltage since only front-end and back-end work on large amplitude
signals. The internally generated noise does not follow linear circuit laws. Log-
domain filters belong to this class of filters [1.19, 1.20]. The input current signal is
converted into voltage by a logarithmic converter (e.g., a bipolar transistor where
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Fig. 1.7 (a) A CCII (second-generation current conveyor), and (b) a CFOA (current feedback
operational amplifier)

small Vg variation results because of large emitter current variations). The filter
processes the compressed input signal and converts it back to linear form using an
exponential converter. Using similar properties of FETs, square-root domain filters
also can be constructed. In this book, we do not consider this class of filters.

1.2.8 Current-Mode Filters

The reduction of power supply voltage and need for high-frequency operation led to
yet another interesting method of realizing analog filters using current-mode oper-
ation. It is well known that a common-base amplifier works in current mode and has
a very good high-frequency performance. The circuit elements such as the current
conveyor (see Fig. 1.7) based on this concept were proposed for instrumentation
applications as early as 1972 [1.21]. There has been a revival of this area of research
more recently and the availability of commercial devices such as the current
feedback operational amplifier (CFOA) has further enriched this area. Numerous
current-mode elements have been introduced and applications to filters, oscillators,
and in some cases nonlinear blocks have been extensively studied. These also need
precise external resistors and capacitors to realize complete filters and tuning these
circuits may be quite involved. We do not address this area in this book.

Note, however, that circuits using one type of active element can be converted
into circuits using other active elements by simple techniques.
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Chapter 2
Active RC Filters Using Opamps

In this chapter, we consider the design aspects of active resistor—capacitor (RC)
filters using operational amplifiers (opamps). This topic has been covered exten-
sively in the past three decades in several classic textbooks [2.1, 2.2, 2.3, 2.4, 2.5,
2.6,2.7,28,29,2.10, 2.11, 2.12, 2.13]. There are numerous second-order filters
structures available in the literature using one, two, three, or four opamps [2.14].
The choice of a particular structure is dependent on (a) the number of opamps used,
(b) power consumption, (c) orthogonal control of pole-frequency, pole-Q, gain and
transmission zeroes, (d) component spread, and (e) sensitivity to passive and active
components. The designer shall also consider the dynamic range available through
noise and distortion analysis. We illustrate the concepts through some examples
chosen among several well-known structures. This enables readers to derive for
themselves the results for other circuits of interest.

2.1 Amplifiers Using Opamps

In this section we consider finite gain inverting and noninverting amplifiers. The
opamp frequency-dependent gain A(s) is modeled by a single-pole model given by

B
A(s):—s+w 2.1

where B is the gain bandwidth product denoted as A,w,, A, is the dc gain, and w,, is
the open-loop cutoff frequency. Usually w, is very small, for example, the popular
bipolar opamp pA741, say 2r x 10 rad/s and A, = 100,000 for a typical bipolar
opamp, so that B = 21 x 10° rad/s. Taking into account the finite bandwidth of the
opamp, the gain of the inverting amplifier of Fig. 2.1a can be derived as

P.V.A. Mohan, VLSI Analog Filters: Active RC, OTA-C, and SC, 13
Modeling and Simulation in Science, Engineering and Technology,
DOI 10.1007/978-0-8176-8358-0_2, © Springer Science+Business Media New York 2013
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Fig. 2.1 (a) An inverting
amplifier, and (b) a
noninverting amplifier

LIS - 2.2)

where G = R»/R;. Thus, effectively, the cutoff frequency or bandwidth of the
inverting amplifier is B/(G + 1). In a similar manner, the gain of the noninverting
amplifier of Fig. 2.1b can be derived as

V, (G+1)

—_—= (2.3)
_ G+1)

Vi 1+ T5

where G = R,/R;. Note that the cutoff frequency of a unity gain buffer
(noninverting amplifier), that is, G = 0, is B whereas for an inverting amplifier of
gain unity, the bandwidth is B/2 [2.15].

Considering the frequency response of the form (ignoring the frequency-
independent gain factor),

V, 1
A = — =
(s) Vi 1+as

(2.4a)

where a = 1/B and B is the unity gain bandwidth of the opamp, the gain and phase
are given approximately for frequencies far smaller than the bandwidth B of the
opamp as

a* o?

A=Jago) =1-4

(2.4b)
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pe—aw (2.4¢)

The use of finite gain amplifiers in filters will lead to certain undesirable
problems due to the introduced phase shift, which is considered in a later section.

To extend the frequency response (increase the bandwidth) of the amplifier, it is
necessary to use passive or active compensation techniques [2.16]-[2.21]. In these,
we effectively realize a transfer function of the form

Vo K(l+as)

Al =2 = ——~ 7 2.5
(s) V; 14as+bs? 2.5)
where ¢ = o/B and b = f/B%. As a result, the gain and phase become
A=1/(A(jw))* 21+ bao? (2.6a)
0 —abw’ (2.6b)

Thus the phase response will have a third-order dependence on (w/B) against
first-order dependence for an uncompensated opamp given by (2.4c).

One method of passive compensation [2.16] is shown in Fig. 2.2a, wherein a
capacitor C.. across the input resistor is used. The transfer function of this circuit can
be obtained as

Vo_ Rz ( +SCCR1)

1
R () - G

Q2.7)

Thus, under the condition C. R; = 31 (1 + %), the first-order terms dependent

on B will become equal, thus reducing the effect of finite bandwidth of the opamp
on the amplifier frequency response.

Another technique, known as active compensation, uses another OA to compen-
sate the effect of finite bandwidth of the opamp [2.18] and is shown in Fig. 2.2b.
The pair of OAs together as shown within dotted lines is denoted as “composite
OA.” The transfer function of this circuit is given by

Vo _ R (1 - B_) 2.8)

Vi Rl 2 R
' 11+19i2+3f32(1+1e_f)

Thus, without needing any matching of bandwidths of the opamps, the circuit
realizes active compensation. In the case of a unity gain buffer [2.17], the circuit of
Fig. 2.2c has the gain given by
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bl i |
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%

7

i + A,

Fig. 2.2 Improved inverting amplifiers (a) using passive compensation, (b) using active compen-
sation, and (c¢) improved buffer ((c) Adapted from [2.17] ©IEEE 1979)

Vo_ <1+B*S2)

2.9)
2
Vi 1+ Bil + ﬁ

Note that matching of OA bandwidths is needed to achieve exact compensation.

Example 2.1 Using WINSPICE, evaluate the frequency response of the actively
compensated inverting amplifier for gain 10 of Fig. E.2.1. Use the opamp
macromodel with opamp finite dc gain 100,000 and bandwidth 1 MHz. Compare
the results with the uncompensated amplifier of Fig. 2.1a.

The SPICE code is listed below. Note that the opamp is modeled as a controlled
voltage source with gain 100,000 using dependent voltage source E1 and the finite
bandwidth is modeled by a first-order RC network (using R7, C2) with a pole-
frequency of 1 MHz. The bandwidth expansion can be observed. Note that peaking
can occur in the resultant composite amplifier frequency response.
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Fig. E.2.1

*Nonideal composite inverting amplifier
Vinl 1 0aclv

R5171k

R678 10k

E1 0970 100,000
R79101k

C2100 159 uf
E21101001

E3 0127 11 100,000

R8 12131k

C3130 159 uf
E4801301

*Nonideal Inverting amplifier
R1121K

R22610k

E5 0420 100,000
R3451k

C150159 uf

E660501

.ac dec 10 1 100,000 K

dB db(nag(v(6))) db(mag(v(8)))
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1 10 100 103 1074 105 10%¢ 107 10°8 1079

frequency Hz
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Fig. E2.2

Vi + A A, 3
1

Example 2.2 Using WINSPICE, evaluate the frequency response of the actively
compensated buffer amplifier of Fig. E.2.2. Use the opamp macro model with
opamp finite dc gain 100,000 and bandwidth 1 MHz.

The SPICE listing is given below. The bandwidth enhancement can be seen
clearly.

*Nonideal composite noninverting buffer amplifier
Vinl 10ac1v
E1401 2 100,000
R1451k
C150159uf
E230501

E3 6 03 2 100,000
R3671k

C270159 uf
E420701

E590 1 8 100,000
R49101K

C3 100 15.9uF
E6801001

.ac dec 10 1 100,000 K

dB db(mag(v(8))) — db{mag(v(3)))

1 10 100 10°3 10°4 10°5 10" 10"7 10°8 10™9
frequency Hz
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Another interesting active compensation scheme was suggested by Boutin
[2.19], which uses a negative impedance converter (NIC). This circuit, presented
in Fig. 2.3a, has the transfer function given by

1% R 1
0= 2 (2.10)

Vi Ri\iag(14f o)

Evidently, under the condition Ly R% =1

R =g, the gain will be frequency inde-
pendent. Note, however, that we need an ideal negative resistance, which is not
possible in practice.

Two circuits for obtaining negative resistance are presented in Fig. 2.3b, c. Note
that in both these circuits, a resistance R is placed between V; and 2V, thus
effectively making a current (V; — 2V;)/R = -V;/R = V;/(-R) to flow simulating a
negative resistance. Since the opamp is nonideal, these two circuits realize a
nonideal negative resistance.

The use of the negative resistance [2.20] of Fig. 2.3b in the circuit of Fig. 2.3a in
place of —Ry yields the circuit of Fig. 2.3d, whose transfer function is given by

1% R 1+2
VOZ_R_Z 2 R RB2 252 (R R 210
i 1 s
C R s A (er-R)) 2 (BB
Under the condition RLIJFR% = 1'\’71;’ the first-order terms become equal, thus

achieving compensation.

Example 2.3 Analyze using SPICE the compensated amplifier using NIC shown in
Fig. E.2.3.

Note that R; = —RR,/(R| + R5) is chosen for exact compensation. The uncom-
pensated amplifier response is also presented to illustrate the bandwidth
enhancement.

Fig. E.2.3
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Fig. 2.3 (a) Boutin’s active a

compensation scheme of Ry AVAVA
amplifier using NIC, (b) and
(¢) circuits for NIC !
realization, and (d) complete

circuit following (a) and (b)

((a) Adapted from [2.19]

©IEE 1981, (d) Adapted

from [2.20] © AEU 1988) b
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* Amplifier using NIC compensation
RI121K
R2231K

R3 26500
R4671k
R5701K

E1 0420 100,000
R6451k
C150159uf
E230501

E3 8027 100,000
R7891K
C290159 uf
E460901

*Normal amplifier
R81101K
RO10111K

E5 0 12 10 0 100,000
R101213 1k
C3130 159 uf
E61101301
vinl0aclV

.ac dec 10 1 100,00 K

dB db{mag(v(11))) — db(mag{v(3)))
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An inverting integrator using an opamp is shown in Fig. 2.4a. In the case of an
opamp with infinite bandwidth, the transfer function realized is

Vo 1

V,  sCR

(2.12a)
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The transfer function of the integrator taking into account the model of (2.1) is
given by
Vo 1

o 2.12b
Vi SCR(1 + 55 +3) ( )

Thus, a real pole is created because of the finite bandwidth of the OA.
Expressing the integrator transfer function as

Vo L~
V: = " R(o) +X() @15

=

2C R

Fig. 2.4 (a) An inverting integrator (b) a non-inverting integrator and (c) Deboo’s non-inverting
integrator, Actively compensated integrators: (d) Akerberg—Mossberg scheme [2.24], (e-g)
Brackett and Sedra schemes [2.21] and (h) Ravichandran and Rao [2.18] (b-d),(f),(g) Adapted
from [2.21] ©IEEE 1976)
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Fig. 2.4 (continued)
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its Q-factor [2.21] can be defined as

~ X(jo)
OQinteg = R(o) (2.13b)

Thus, for the integrator of Fig. 2.4a, using (2.12b) and (2.13b) we obtain the
Q-factor as

B 1
Qimeg = <; + COCR) (2.14)

A noninverting integrator can be obtained by cascading an inverting integrator
with a unity gain inverting amplifier [2.21] as shown in Fig. 2.4b. The transfer
function of this integrator, taking into account the nonideal opamp, is given by

Vo 1
— = — - (2.15a)
Vi ek (1)
The Q-factor for this integrator can be obtained using (2.13b) as
BCR + 1 — 22k B
Oiies = | ——g—2— | &2 (2.15b)
& 3wCR + =2 3w

Evidently, the Q-factor is lower than that of the inverting integrator given
by (2.14).

Since the noninverting integrator of Fig. 2.4b needs two opamps, a single
amplifier-based integrator has been suggested by Deboo [2.22] (shown in
Fig. 2.4c). The transfer function of this integrator is given by

Vo 1
—_——=— 2.16a
V; SCR +%+ ZsZCR ( )
The resulting Q-factor can be derived as
BCR +-2 B
iee = — | ——— | =2 —— 2.16b
Qinieg < 2w CR ) 2w ( )

Note that the Deboo integrator uses a negative resistance formed by resistors R’,
r, and r and opamp A, (see Fig. 2.3b). Its Q-factor is less than that of the inverting
integrator but more than the two-amplifier based noninverting integrator of
Fig. 2.4b.

The Q-factor of the noninverting integrator can be made equal to that of the
inverting integrator by using an ingenious integrator described by Akerberg and
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Mossberg [2.24] and shown in Fig. 2.4d. The transfer function of this integrator can
be derived as

v, 1+3
> == ( B ) (2.17a)
N
The resulting Q-factor is given as
B 1 30)
EJF ® CR + CRB: | ~ B
Qinteg = _< 11— 4_0)27 = ; (217]3)
BZ

Another actively compensated integrator [2.21] is shown in Fig. 2.4e, which
realizes the same transfer function as that of Fig. 2.4d. Note that the block within
dotted lines has a gain ﬁ and the opamp A; is an inverting amplifier, whereas in

By

the circuit of Fig. 2.4d, the opamp A, is a noninverting amplifier and A, and resistor

R realize a gain 1;—127 . Thus, the circuit is the same except for the sign of the
By

integrator transfer function.
Active compensation also can be achieved using a buffer amplifier [2.21] as
shown in Fig. 2.4f. The transfer function of this circuit can be derived as

Vo _ _<1 +B_Y3> (2.18)

Vi N 1 s 1 52
SCR<1 t@ze TE (1 + CRB_;) t5 33)

A noninverting integrator can be obtained with the same integrator Q-factor by
augmenting the compensated inverting integrator of Fig. 2.4f using an additional
opamp and two resistors, as shown in Fig. 2.4g. The transfer function of this circuit
[2.21] is given as

s 2s
v, (1+4) (1+3)
= 1 B 1 2 j (2.19)
' SCR(l trE T (1 + CRBg) +BISB3) (1 +B_§)

It can be seen that when B; = B,, the second fraction will become unity, thus
realizing the same transfer function as an inverting integrator except for the sign.

We next consider another actively compensated integrator [2.18] shown in
Fig. 2.4h that does not need any additional passive components. The transfer
function of this integrator can be derived as

2 ~(1+)
7 = PCR 2 (2203.)
i $CE4 2 (1+B CR) + sCR
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a
||
R |
Vl >
||
|
C
b

Fig. 2.5 (a, b) Passive compensation of inverting integrators

The resulting Q-factor (assuming By = B, = B) is given as

B +& B oo
Qg = — <w3 R (2.20b)

w?

For w, = 1/CR = w,

B} 2
S+1 B
Qinteg = (u) ) = _E (2200)
which is much larger than B/w of an uncompensated integrator.

An integrator can be compensated by adding a small capacitance C, across the
input feeding resistance R [2.23] as shown in Fig. 2.5a. The transfer function of this
circuit can be obtained as

Vo _ —(1+5CR) (2.21a)
Vi SCR(1+3(1+%) +35)
Evidently, under the condition
C 1
Co=——_— 2.21b
" BCR-1 BR ( )

compensation is achieved.
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G

Fig. 2.6 A differential integrator

In another technique [2.25] shown in Fig. 2.5b, an integrator has been shown to
be compensated using an additional series resistance with the integrating capacitor.
In this technique, the transfer function can be obtained as

&: 1 (1+SCR2) (2.22)

Vi ORI+ gy, +%(1+%)

It can be seen that under the condition BCR, = (1 + 1;—?), the s-terms in the

numerator and denominator are equal thus achieving first-order cancellation of
the effect of the finite bandwidth on the amplifier.

A differential integrator is shown in Fig. 2.6 whose transfer function considering
an ideal opamp is given by

yo_ Vi35G R) +Va(145Ci Ry)
o SC1 R1(1+SC2 Rz)

(2.23)

Thus, a differential integrator is obtained when C1R; = C,R,. that is, the two
time constants shall match.

2.3 First-Order Filters Using Opamps

2.3.1 Low-Pass Filters

A first-order low-pass filter can be obtained by damping the integrator capacitor in
the integrators described earlier as shown in Fig. 2.7a. The transfer function of this
circuit is given by
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R, [

"V

v AN N

Fig. 2.7 (a) A first-order low-pass filter, (b) and (c) actively compensated first-order low-pass
filters
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Vu_ R2 1
Vi R 1+s(c1e2+51(1+;§_3))+s2(%)

(2.24)

showing that two real poles exist. The circuit can be compensated using another OA
with two resistors as shown in Fig. 2.7b. The resulting transfer function can be
shown to be

v, G I+ —(ngm (2.25)
_— = — 3 3 .
Vi \ts(cran ) o (0 GE) S

where G = R,/R;. Note that the first-order term s(G + 1)/B in the numerator and
denominator (assuming B; = B, = B) will compensate the lossy integrator.

An alternative compensated lossy integrator is shown in Fig. 2.7c whose transfer
function is given by

G 1+5
Vo tes(cRreg) e (e ) vtk

(2.26)

2.3.2 First-Order All-Pass Filters

We next consider the realization of first-order all-pass filters [2.26] which is
possible using the two circuits of Fig. 2.8a, b. The transfer functions of these
circuits are, respectively, as follows.

Vo (1-sCR)
Vi (1+sCR)(1+7%) (2.27a)
and
T (2.27b)

Vi (1+sCR)(1+%)

2.4 Sallen—Key Active RC Low-Pass Filter

Consider the Sallen—Key active RC filter [2.27] of Fig. 2.9a. We use this as a
vehicle to explain the design concepts. Consider that the opamp has finite gain A.
Then, the following equations can be easily written at the nodes 1, 2, and 3,
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Fig. 2.8 (a, b) First-order all-pass filters using one opamp

V,-—V1+V2—V1

Vo—=V1)sC; =0
R 7 + (Vo—=V1)sCy

Vi—=Vs
R

1%
(vz—?o)A =V

= VQSCQ

(2.28a)

(2.28b)

(2.28¢c)

where A is the gain of the opamp. Solving these equations, we obtain the transfer

function of the filter as

v, K

Vi $2CiCoR Ry (145) +5((Cr Ry +Co (Ry +R2)) (1+5) =K Cy Ry) + (1+5)

(2.29a)

Note that in the case where we consider an ideal opamp (i.e., A = 00), the

transfer function of (2.29a) is simplified as
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(K-DR’

Fig. 2.9 (a) Sallen—Key active RC low-pass filter using amplifier gain K, (b) with K = 1 using a
buffer, and (c) Sallen—Key high-pass filter using a noninverting amplifier of gain K

V, K
V,‘ o S2 Cl C2 R1 Rz +S(C1 R1 +C2 (Rl +R2) 7KC1 Rl) +1

(2.29b)

The next step is to match the transfer function with the desired second-order low-
pass transfer function. Since the s-term and s° term in the numerator are zero, the
transfer function is a low-pass type. The denominator of the transfer function can be
compared with the standard second-order denominator

D(s) =5+ s (“’) + 0,2 (2.30a)
o)

to obtain the pole-frequency and pole-Q as follows.
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1

Wy = 2.30b
P JCiCL R R, ( )
and
VCi Co R R
0, = 1 =2 71 2 (2.30c)

(Ci Ri+Cy(Ri+R2) —KCy Ry)

There are many component choices possible. However, two popular choices are
(a) using equal resistors (R; = R, = R) and equal capacitors (C; = C, = C) and
K > 1; (b) K = 1 (see Fig. 2.9b) using unequal resistors and capacitors.

In choice (a), the expressions for pole-frequency and pole-Q simplify as

1 1
p = R_C and Qp = ?)——K (231)

For choice (b), the corresponding expression for pole-frequency is given by
(2.30b) and the expression for pole-Q is

_C1 VR Ry
0, = ch—( (2.32a)

R +R>)

It can be seen from (2.32a) that the spread in capacitor values can be minimized
when R; = R;:

C )
o, 40, (2.32b)
which can be quite large for large O, values.

It is thus easily possible to design the circuit for a given pole-frequency and pole-
O QO,. Note that the dc gain in both cases can be obtained by substituting s = jw
= 0 in (2.29b). There is no degree of freedom to control the dc (low-frequency)
gain. On the other hand, in choice (a), the pole-Q is independently controlled by K.
The property of independent control of pole-frequency, pole-Q, and gain is known
as orthogonal tunability.

2.4.1 Effect of Finite Gain of the Opamp

Next, let us consider the effect of opamp finite dc gain. Evidently, by matching
denominator coefficients of the denominator of (2.29a) with (2.30a), the pole-
frequency is seen to be independent of the finite gain of the opamp. However, the
pole-Q is dependent on A as follows.
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0 — (1+5VC R C2 R, 233
P ((Cr Ri4+Co(Ri+Ry)) (1 +%) —KCy Ry) '

Evidently, for large gain of the opamp, the sensitivity to A becomes zero as A
tends to the limit oco.

2.4.2 Effect of Finite Bandwidth of the Opamp

On the other hand, let us investigate the effect of finite bandwidth of the opamp. For
this purpose, we need to employ the single-pole model of the opamp. Note that the
opamp is usually designed to be a three-pole system [2.28] and has a dominant pole
which is at very low frequencies, and has second and third poles at very large
frequencies. The dominant pole is intentionally created by connecting a compensa-
tion capacitor inside the opamp circuitry by the opamp designer. Such an approach
ensures stability of the opamp when 100% negative feedback is used, for example,
when the opamp is connected as a buffer.

From (2.29a), using the model of (2.1), we obtain the denominator of the transfer
function as a third-degree expression:

Ci C, R K K
D(Y) —_ (5‘3 %4»52 (Cl C, R R, +E (Cl R+ C, (R] +R2)>>

K
+S(C1 Ri+Cy(Ri+Ry) —KC Rl+§>+l) (2.34)

Evidently, a parasitic real pole is created and the original (ideal) pole-frequency
and pole-Q would have changed. It is therefore necessary to find out the deviation in
pole-frequency and pole-Q of the active filter due to the opamp finite bandwidth.
The cubic equation can be solved to find the roots and from that information, the
real pole, pole-frequency, and pole-Q corresponding to the complex pole pair can
be estimated. However, most often, designers need to have a quick assessment of
the expected deviations.

For this purpose, an approximation suggested by Akerberg and Mossberg [2.24]
can be used. In this, the s° term is written as —sw,,z so that the third-order system
becomes a second-order system. From this, the modified pole-frequency and pole-Q
can be found following the conventional definitions. Note, however, that this is true
for high pole-Qs. For low pole-0Os, one can find them by exactly solving the cubic
equation. Using the Akerberg—Mossberg approximation, we have from (2.34), the
approximated denominator of the transfer function as
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D/(S) =42 (C1 Cy R Ry +E(C1 R+ C> (Rl -‘rRz)))
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(2.35)

+S(C1 R1+C2(R1 +R2)—KC1 R1)+1

Thus, the shifted pole-frequency @, and shifted pole-Q Qp can be seen by
identifying (2.35) with

as

and

1 1
w, w,,Qp

K
= 1+5(Ci Ri+ G (Ri+Ry)) w; (2.36)

1A _ ! (2.37)

-~ )
o Qp P QP

Evidently, from (2.36), we can observe that the pole-frequency w, decreases due
to opamp finite bandwidth and we note also from (2.37) that the pole-Q Q) increases
by a similar amount. As an illustration for case (b), K = 1, we have

and for case (a), K # 1,

% _ 14 (2 Lo 2.38
d)_i =1+ Qp‘l-Q—p F (2.38a)
w? 1 \ow

- __|=r

d)ﬁ =143 (3 Qp> B (2.38b)

Note that several solutions have been suggested to get rid of the problem of
opamp finite bandwidth by (a) predistortion, (b) passive compensation of opamp,
and (c) active compensation of opamp. However, these need either extra passive or
active components or the performance of the compensated filters varies with power
supply voltage and temperature. The predistortion technique is based on (2.38a) and
considers the design of the circuit with lower pole-Q and higher pole-frequency

than desired.
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a

Va _E > . Vo
b

+
A,
= L
\'A + Vo
R, R, A

o

Fig. 2.10 (a) A composite opamp, (b) Sallen—Key filter with K = 1 using composite opamp-
based buffer, and (c¢) Sallen—Key filter using composite opamp for K # 1

2.4.3 Active Compensation of Sallen—-Key Filter with K = 1

The Sallen—Key filter using the composite opamp of Fig. 2.10a to realize a unity
gain buffer is shown in Fig. 2.10b. The transfer function of the buffer stage using
composite opamps is given by (2.9). The denominator of the transfer function of the
actively compensated Sallen—Key filter of Fig. 2.10b is given by

Cl C2 Rl R2 C] C2 R] R2 C] R1+C2 R]+C2R2
4 3
1 C,Ri+CyR 1
+ 52 (ﬁ_‘_%_k(:] Cy Ry R2> +S<E+C2 Ri+C R2)+1>

(2.39)
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Using Akerberg—Mossberg approximation, it can be shown that the modified
pole-frequency is given as

w
=1+—= (2.40)
0,8

hS) )I\>|'E8N

which may be compared with (2.38a) to note the significant improvement.

A noninverting amplifier needed in the Sallen—Key filter can also be actively
compensated using the circuit shown in Fig. 2.10c within dotted lines which needs
an additional OA and two resistors. The transfer function of this block is

s G(1+)

= (2.41)
L+ 5 + 55

Under the matching condition B, = B,, this composite amplifier also realizes a
third-order dependence of phase but much larger than that of a buffer due to the G*
term. The reader is urged to study the effect of using this compensated Sallen—Key
filter.

2.4.4 Sensitivity Analysis

The active and passive components used in filters typically have large tolerances due
to manufacturing processes. The effect of these variations on the pole-frequency and
pole-Q from the nominal design values of the filters needs to be analyzed. This can
be carried out through sensitivity analysis. The sensitivity of a filter parameter such
as transfer function magnitude H to a component x; is defined as

n OH x; OH [0x; % change in H
Y 9x;,H H/ x; % change in x;

(2.42)

In other words, we would like to know the percentage change in H for a given
change of 1% in component value. Generally, the sensitivity should be small and
closer to unity. Note that the sensitivity can be positive or negative, meaning that H
may increase due to the 1% increase in component value or may decrease.

The computation of sensitivity can be easily done by noting some tricks. As an
illustration, consider the following expression for pole-frequency of a typical active
RC filter,

1

—_— (2.43)
VRi Ry Ci

w, =
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The following can be easily written,

1
W, _ QW, _ QW _ QqW, __ __ *
SR] _SRz _SC1 _SCZ - 2

In other words, if the term under consideration is in the denominator, the
sensitivity will have negative sign and the “exponent” of that variable in the
expression is the sensitivity.

Some general formulae are presented next. The sensitivity of a fraction (p/q) to
any component can be shown to be

Pl = §p — 54 (2.44)

As an illustration, consider the sensitivity evaluation of O, given by (2.30c) to
the various components:

0 = VCi C R R :E (2.45)
4 (C] R1+C2(R1+R2)—KC1 Rl) D ’

We have

& gV _ gD _ Ci Ry —KCi R,

G TG TG T2 G R +Ca(Ri+Ry) —KCi Ry

_1 GRrR1-K)0Q, (2.462)
2 JCIR GR, '

The expressions for other sensitivities can be very similarly written as follows.

I 0,(C,Ri+CyR —KCi R
S,%”:Sﬁl—sglzf—Q”(l O R KGR (2.46b)

2 VvVCI R C2 R,

I GR
Sor — SN —S2 =~ RO (2.46¢)

2 VCi R C, Ry

& ogy _gp L CR1TR)O, (2.46d)
Qe Ty JOR G R, '

KCi R Q,
VCi R Gy Ry

S& —s¥ D= (2.46e)
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It is very important to remember that sensitivity formulae should be written for
the original equation with all component values distinctly present. As an illustration
for the choice K = 1, Ry = R, the sensitivities are as follows.

0, o, 1 0, 0
Sch =—S¢ :E’SRI =Sp' =0

For the case K # 1, we have the following.

0, 1 o 30 0, 1 0, 1 0
S =20y =580 = 5"~ LSk =5 0S¢, =57 20,5 =30, -1

It will be useful to substitute the parameter under consideration in the sensitivity
expression to get a meaningful insight to the magnitude of the sensitivity. For
example, in (2.46) above, the value of Q,, has been substituted to obtain the various
sensitivities in terms of Q,,. At this stage, the assumptions made in design such as
Ri = R,, and so on can be made. The reader is referred to Appendix A for
information on the evaluation of the overall variation in the magnitude of the
transfer function.

In the earlier section, we considered a single-amplifier low-pass filter. A high-
pass filter can be easily obtained by replacing resistors with capacitors and
capacitors with resistances. This leads to a transformation known as low-pass to
high-pass transformation denoted as an s — 1/s transformation. A high-pass filter
thus obtained is shown in Fig. 2.9c.

Example 2.4 Analyze using SPICE, the Sallen—Key filter using (a) an ideal unity
gain amplifier, (b) using a pA 741 operational amplifier, and (c) an actively
compensated unity gain amplifier. We use the model of the tA741 opamp. The
ideal pole-frequency and pole-Q are 159.09 KHz and 5, respectively.

The SPICE listing and frequency responses for the three cases are presented
below. The actual 741 model is defined as a subcircuit Xopamp. This is available
from manufacturers at their websites. It can be seen that a nonideal opamp results in
a decrease in pole-frequency and increase in pole-Q. On the other hand, the use of
an actively compensated opamp results in a pole-frequency closer to the ideal value
and Q enhancement is still present.

*Uncompensated Sallen—Key filter using opamp macromodel (infinite bandwidth)
Vin10 lv ac

R3161K

R4671K

C368 10 nF

C470.10nF

E180701

*Uncompensated Sallen—Key filter using Actual 741 model.

R1121K


http://dx.doi.org/10.1007/978-0-8176-8358-0_BM1

2.4 Sallen—Key Active RC Low-Pass Filter

R2231K

C12410nF

C230.10nF

xopampl 3 4 vpos vneg 4 xyz

vl vpos 0 dc 12

v2 0 vneg dc 12

*Actively Compensated Sallen—Key filter
R5191K

R69101K

C5911 10nF

C6 100 .10 nF

Xopamp?2 10 12 vpos vneg 11 xyz
Xopamp3 11 12 vpos vneg 12 xyz
.ac lin 100 10 600 K

.subckt xyz 12345

cl 11 12 8.661E-12

c2 67 30.00E-12

dc 553 dx

de 54 5 dx

dlp 90 91 dx

dln 92 90 dx

dp 4 3 dx

egnd 99 0 poly(2) (3.0) 4.0) 0.5 .5
fb 7 99 poly(5) vb vc ve vlp vin 0 10.61E6-10E6 10E6 +10E6 —10E6
ga 6011 12 188.5E-6

gem 0 6 10 99 5.961E-9

iee 10 4 dc 15.16E-6

hlim 90 0 vlim 1 K

ql 11213 gx

g2 121 14 gx

12 6 9 100.0E3

rcl 3 11 5.305E3

rc2 3 12 5.305E3

rel 13 10 1.836E3

re2 14 10 1.836E3

ree 10 99 13.19E6

r01 8 5 50

ro2 7 99 100

p 34 18.16E3

vb90dcO

vc353dc1

ve 544 dc 1

vlim 7 8 dc 0

vlp 91 0 dc 40

vin 0 92 dc 40

39
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.model dx D(Is = 800.0E-18 Rs = 1)
.model gx NPN(Is = 800E-18 Bf = 93.75)

.ends
v nag(vi{ll)) — mag(v(8))
—mag(vi4))
T e T G Tl | e S e voRn se s i
B s ss s e e L R s R R s e i
10,0} -eemeeeen e e - A S S !
L 1| SO A ----- T S RREant ERRRRR
JA
0.0 —
0.0 100.0 200.0 300.0 400.0 500.0 600.0

frequency kHz

The SPICE simulation of the second-order Sallen—Key low-pass filter using a
unity gain amplifier is presented next. The CMOS opamp Schematic [2.103] is
shown in Fig. E.2.4. The program listing also gives an ideal Sallen—Key filter for
comparison. The filter is designed for a pole-frequency of 795.45 KHz and pole-Q
of 2.5.

*Sallen—Key ideal opamp
R316 100K

R4 67100 K

C368 10 pF

C4700.4 pF
E180701

| |
1 M, ||
—
VOUt

| = |
Fig. E2.4 SPICE code of My }—>| y
5

opamps (Adapted from
[2.103]©O0UP 2002) V52,5V




2.4 Sallen—Key Active RC Low-Pass Filter 41

*Sallen—Key filter using CMOS opamp

Vin100.1v ac

R519 100K

R6 910 100 K

C59 11 10 pF

C6 100 0.4 pf

Xopampl 10 11 11 vpos vneg OPAMP

.ac lin 100 10 2000 K

vl vpos 0 dc 2.5

v2 0 vneg dc 2.5

.SUBCKT OPAMP 12689

M14233NMOS1W=3UL=1UAD = 18P AS = 18P PD = 18U PS = 18U

M25133NMOS1 W =3UL =1UAD = 18P AS = 18P PD = 18U PS = 18U

M34488PMOS1 W =15UL = 1U AD =90P AS = 90P PD = 42U PS = 42U

M4 5488 PMOS1 W = 15UL = 1U AD = 90P AS = 90P PD = 42U PS = 42U

M53799NMOS1 W =45UL =1U AD =27P AS =27PPD =21UPS =21U

M6 658 8 PMOS1I W =94U L = 1U AD = 564P AS = 564P PD = 200U PS =
200U

M76799NMOS1 W =14UL = 1U AD = 84P AS = 84P PD = 40U PS = 40U

M87799NMOS1 W =45UL =1U AD =27P AS =27PPD =21UPS =21U

CC563.0pP

.MODEL NMOS1 NMOS VTO = 0.70 KP = 110U GAMMA = 0.4 LAMBDA =
0.04 PHI = 0.7 MJ = 0.5 MISW = 0.38 CGBO = 700P CGSO = 220P CGDO =
220P CJ = 770U CJISW = 380P LD = 0.016U TOX = 14N

.MODEL PMOS1 PMOS VTO = -0.70 KP = 50U GAMMA = 0.57 LAMBDA =
0.05 PHI = 0.8 MJ = 0.5 MISW = 0.35 CGBO = 700P CGSO = 220P CGDO =
220P CJ = 560U CISW = 350P LD = 0.014U TOX = 14N

IBIAS 8 7 30U

.ENDS

.END

v mag(w(1ll}) — mag(v(8))

f requency MHz
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2.5 Second-Order Filters Based on Multiple Feedback

2.5.1 Friend’s Biquad

There are other second-order filters using a single opamp known as single-amplifier
biquads (SAB) that can realize many transfer functions based on the choice of
component values. One such popular biquad is known as Friend's biquad [2.29].
This is shown in Fig. 2.11a and is also known as a multiple feedback filter since
it uses both negative and positive feedback. This circuit, however, cannot realize a
low-pass and all-pass transfer function for which alternative circuits shown in
Figs. 2.12 and 2.13 can be used. We first denote

Ve=aV;+ BV, (2.47)

Fig. 2.11 (a) Friend’s biquad, and (b) Deliyannis band-pass filter (Adapted from [2.29]
©IEEE 1975)



Fig. 2.12 (a) Multiple feedback- type second-order active RC low-pass filter with positive
feedback, and (b) with no positive feedback (Adapted from [2.29] ©IEEE 1975)

Ry — vV

° awva

Fig. 2.13 Steffen’s all-pass-type single-amplifier biquad (Adapted from [2.29] ©IEEE1975)
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where
Rc Rp
o= 2.48
Rs Rg+Rpg Rc+Ry Rc ( )
and
Rc R
€A (2.49)

" Ra Rs+Rs Rc+Ra Re

The transfer function of the circuit of Fig. 2.11a can be derived as

v, SaCCits(aC () g Cro@E i) @A) @ e E)

Vi wac-pes(Cro)(E-f-£) e+ (B d) (-4 1)

Note that the several degrees of freedom available can be used to realize a
desired numerator of the transfer function. In the case of band-pass realization, R3,
Rs, and R are not needed. This means from (2.48) that « = 0. Note that R, helps to
control the gain. In the case where arbitrary gain can be accepted, R4 need not be
used. In this simple case known as Deliyannis band-pass biquad [2.31] shown in
Fig. 2.11b, the transfer function simplifies as

<

s (wticn)
_o _ Rl <1*B) (2 51)
Vi s2 Cy Cy —|—S(<(CI;2CZ>> - (15%131) —l—ﬁ

Note that the pole-frequency is independent of f# and f can be used to control the
Q. Tradeoff between the spread of passive components (capacitors and resistors)
and sensitivity can be achieved by proper choice of § and component values.

Denoting for simplicity C; = C, C, = &, Ry =R, and R, = R, from the
denominator of (2.51) we can obtain

1
= 2.52
@o rcCR (2.52a)
and
0, = = (2.52b)

1+cz——(lfﬁ) r2 ¢?

Note that for the case of no positive feedback (i.e., f = 0) the value of r is
minimum when ¢ = 1 and is then r = 20,,. Evidently, the resistor spread is 4Qp2
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which is very large for large O, values. The natural question that arises is the choice
of r, ¢, and f§ values to reduce the sensitivity to component values. The opamp finite
gain A can be considered in the above expression for O, by substituting f = f8, —%
where f, is the ideal positive feedback factor given as R-/(Rc + Rp). This can be
verified to be true by the reader by writing the equation for the voltage Vp at the
inverting input of the opamp. Thus, the sensitivity to amplifier finite gain A can be
obtained as follows.

Denoting K = %ﬁ, we have SK = 1%# Then, S% = KrcQ, and noting that

Sﬁ:A;;j,p we have
O @ B _ @ Kk o _ rcQ, B 1 _ reQ,
SA _Sﬁ -SA_SK .Sﬁ.SA_(l_ﬁ)z (Aﬁofl)_A(l —A—lf”71)2 (2‘53)
A

Since A is very large, this expression tends to zero thus obscuring the effect of
finite but large A and its variations. Moschytz [2.32, 2.33] introduced a figure of
merit known as the gain sensitivity product (GSP) which is defined as

GSP = ASY (2.54)

The result is that Sf" multiplied by A will not tend to zero but to a finite value:

Gsp = as% = Cr_

TR (2.552)

Note that f8, = ; f;i,-z which can be obtained by equating the denominator of
(2.52b) to zero implying very large Q,, values. Using this expression in (2.55a), we
obtain the GSP in terms of the values ¢, r, and Q,,. Since Q,, is given as a design

parameter, » and ¢ need to be chosen to reduce the GSP.

(1+c2+r? c2)2 0,
3 3

GSP = (2.55b)

In the case of no positive feedback, under the optimum condition ¢ = 1, 7 = 2
0,, the GSP is 2Q,,2. The GSP in the case of existence of positive feedback can be
optimized by differentiating (2.55b) with respect to r or ¢ and finding when it is
minimum. Differentiating (2. 55b) with respect to r, the GSP can be found to be
minimum under the condition

3(1 + 2
7= (;26) (2.562)
.
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and the value of the GSP is

160 Vit
GSP, | = % (2.56b)

In a similar manner, differentiating (2.55b) with respect to ¢, the GSP can be
found to be minimum under the condition

= (2.57a)

and the value of the GSP is

3/2
160, (1+72)
GSPpin2 = — A (2.57b)

As al\l/lllustratlon for ¢ = 1 from (2.56a) and (2.56b), we have r = V6, GSP nin;
g\/— =4.354 0, and for ¢ = 1 from (2.57a) and (2.57b), we have r = V2,
GSPmmZ = % = 5.656 Q,, The values of f,, for both these cases are, respectively,

1- 1-

B, = . Q”f and 8, = 7Q_j_5. As an illustration for Q,, = 10, the various cases yield
Op 4

the GSP as (a) f, =0, GSP =200, (b) f, = 0.2334, GSP = 43.54, and (c)

po = 0.48167, GSP = 56.56.

2.5.2 Multiple Feedback-Type Low-Pass Filter Due to Friend

The biquad described in the previous section cannot realize a low-pass transfer
function. An alternative circuit due to Friend [2.29] is considered next. This circuit
is shown in Fig. 2.12a and has a transfer function given by

y ! (2.58)

2C CoRy+5(CoRi Ry (i +) — 2 O R )+ = iy

Note that when positive feedback does not exist (i.e., § = 0 or the noninverting
input of the opamp is grounded), the circuit reduces to that shown in Fig. 2.12b.
It still realizes a low-pass filter transfer function at the output and in addition a
band-pass transfer function at the internal node:

% = —(‘(/—if)scz R, when =0 (2.58b)
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This circuit can be interpreted as having a lossy simulated inductance-based tank
circuit. The lossy inductance realized by the circuit within dotted lines is based on a
Ford and Girling [2.34] configuration and realizes an inductance of value C,R,R3
and is shunted by a resistance R, in parallel with R3. In the circuit of Fig. 2.12b, the
pole-frequency can be seen to be independent of R; and R can be used to control
the dc gain R3/R;:

2 1 _ /CL RiVRy R3
O, =aarnr D= \/;'Rl Ro+R2 Rs + R R (2.59)

The capacitor spread can be seen to be minimum when R, = R, = Rj, yielding
Ci_ o2
6=90,.

In the case of positive feedback being used (i.e., § # 0), the circuit can be

designed for chosen Cy, C,, and f§ values so as to realize the desired gain, pole-
frequency, and pole-Q. The value of R, can be estimated first and then R, and R3

can be obtained:
4 G _ B
Q,; \/ ( Cy 1*/3)

2.60
ko= 2(Ho+1) w, Cy (2600
Ry = ! (2.60b)
I_Ho(l—ﬁ)w,z;clcsz '
and
H,(1-p)R
R; = H,(1=H) R (2.60c)
1+H,p
where H, is the dc gain of the low-pass filter given by
1

H, = (2.60d)

(1-p)(f) -8

Among the two solutions possible for R,, the choice of negative sign in (2.60a)
yields a lower spread.

The circuits of Figs. 2.11a and 2.12 cannot realize a second-order all-pass
transfer function. A solution is to use an alternative configuration due to Steffen
[2.29], shown in Fig. 2.13. The transfer function of this circuit can be derived as

v, s2c2cl+s(c‘%ﬁ—%f3(i+i))+(R%+R%)é 2.61)
Vi s2C2C1+S<g_5[+C]R;BC2_%)+<RL4+%S)%B
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The condition for realizing an all-pass transfer function is that the coefficient of
the “s” term in the numerator must be equal and opposite in sign to that in the
denominator yielding

Ci+C, CiR; /(2 1 C,
2 — — 4 — —=0 2.62
( Rg ) R <R4 - R5> - Rs (2:62)

Next, assuming that C; = C, = C and with chosen value of G,/G3, we have

Lo,

Rs = 2.63
b YoNrs (2.63a)
where
R
p=1+-—. (2.63b)
R,

Next, R, can be obtained as

I —Gs(4=3u)+ /G2 (4— 30 —8(1 - W(4C1 C2 B +GE(2 - )

R4 4(1 = p)
(2.63¢)
Finally, R can be evaluated from the expression for pole-frequency as
Gy = CLC2 % (2.63d)
= (G4 +Gs) ’

Example 2.5 Using SPICE, taking into account the finite bandwidth of the opamp,
plot the response of the band-pass filter of Fig. E.2.5. Evaluate the poles and plot the
group delay versus frequency.

Fig. E.2.5a
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This band-pass filter has a pole-frequency of 40 KHz and pole-Q of 20. The
midband gain is 800. The effect of opamp finite bandwidth is to create a parasitic
real pole and perturb the actual poles. The .pz command prints the poles and zeroes.
The frequency response using ideal opamp and opamp with finite bandwidth 1 MHz
are plotted in Fig. E.2.5b. The group delay is also plotted as a function of frequency
by giving the .plot gd(v(3)) command in Fig. E.2.5c.

*Multiple feedback SAB

R11262.5

R243 100K

C1 23 1590 pf

C2 241590 pf

E1 054 0 100,000

R4561k

C360159 uf

E230601

*Multiple feedback band-pass filter using ideal opamp
R11 17625

R2198 100 K

C117 8 1590 pf

C21 79 1590 pf

E3 089 0 10,000,000

vin 1 0 ac lv

*.ac lin 1,000 10,000 100 K
PZ1030VOL PZ

pole(1) = —-1.63576e + 07,0.000000e + 00
pole(2) = —3.62826¢ + 03,1.559514¢ + 05
pole(3) = —3.62826e + 03,-1.55951e + 05
zero(1) = 0.000000e + 00,0.000000e + 00

dB db(mag{v(3))) db(mag(w(8)))

60.0

40.0 WP 17 .

.0 20.0 40.0 60.0 80.0 100.0
frequency kHz

oo

Fig. E.2.5b
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nS —ad(v(3))
L T P REEEE TR -
0.0 ]
i i ;
! i 5
s STTRTEEETRS JI ---------------- Feessmnnennansd
: | |
-2 g;. ,I. ,
Al brsmssunsninnnnssdusnnssnsnassnensninrsssmnnnsenranns Lesssnssnsismnsan d
15.0 20 25.0 30.0 35.0
f requency kHz
Fig. E.2.5¢

The following describes a variable center frequency band-pass filter (by varying
RS for three values) with constant bandwidth and constant peak value considering

an ideal opamp (see Fig. E.2.5d).

Fig. E.2.5d

* SA Bandpass
R1123181.5
R52015

C3 2 3 10000 pf
C2 2 4 10000 pf
R6 3 4 6363

E1 0530 100,000
R4561k

C560 159 uf
E240601
vin10ac lv

*.ac dec 1,000 10 10,000 K
.control

destroy all
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letii=0

while ii < 5

alter R5 = 15 + 20 * ii

ac dec 1,000 10 10,000 k

letii=1ii+ 1

plot mag(acl.v(4)) mag(ac3.v(4)) mag(ac5.v(4))

end

nV mag({ac3.v(4)) — mag(acl.v(

— mag{ach. v({

1000.0

g00.0

600.0

400.0f---

200.0

0.0 o i - —
10 100 10°3 1074 10°5 1076 1077
frequency Hz

Fig. E.2.5¢

Example 2.6 Find the magnitude and group delay of the transfer function of the
MEB all-pass filter of Fig. E.2.6a. Find the response of the notch filter obtained
using different feedforward gain defined by R4/(R; + Ry).

Note that the magnitude of an all-pass transfer function ideally should be flat
(close to unity). The error is amplified and presented in Fig. E.2.6. The group delay
response is shown in Fig E.2.6. The frequency response of the notch filter is shown
in Fig. E.2.6d. (The same program with R; = 2K will realize a Notch filter (see

v, N <
I C
1
AN AN - 5

Ry

Fig. E.2.6a
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Fig. E.2.6d)). Note that the opamp dc gain is very large, meaning that it is ideal. The
reader is urged to find the responses with finite opamp bandwidth.

* Circuit MFB all-pass/Notch
R1121k

R2 35400k

C1 23 0.0001 uf
C2250.0001 uf

R3 142k

R4 40400 k

E1 6 04 3 10,000,000
R5671k
C370159 uf
E250701
vinlOaclv

.ac 1in 99 1k 99 K

v — mag(w(5))

0
frequency kHz

Fig. E.2.6b
usS —gd(w(5))
e e e :

I N

SE0 0 pesveasipazinas 1( ------ ---------------- r --------------- ,
-100.0 -------- w ------ .~ ---------------
Bk : : : :

oo

.0 50.0 100.0 150.0 200.0
frequency kHz

Fig. E.2.6c
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v — mag(v(5))

1. 00 ke e ; TR e Mt e o '

1) SO ozl Yresfilnmanan, besmmememmeeannas E
I | B

J
j
| ) ]

0.0 50.0 100.0 150.0 200.0
frequency kHz

Fig. E.2.6d

2.5.3 Active Filters Using Single Fully Differential Amplifier

A very recent development is the easy availability of opamps with differential
outputs. A typical filter using a current input that exploits this property [2.35, 2.36]
is shown in Fig. 2.14a. Note that in this circuit, the noninverting input of the opamp
is grounded. Moreover, in addition to the usual output of the opamp, an inverted
output is also available which can be used to provide positive feedback. This
technique eliminates the need for the two resistors providing positive feedback
using resistors R4 and Rp; see, for example, Fig. 2.12a. For simplicity, an inverting
block of gain —1 is shown in Fig. 2.14a. The input impedance realized by this block
is as shown in Fig. 2.14b.

In the absence of feedback, the input impedance of the circuit is thus that of a
lossy resonator (see block within dotted lines in Fig. 2.11b). At the resonance

C; RR;C
of C,, however, the input 1mpedance comprises an additional capacitance Cprand a
negative resistance of value — R - as shown in Fig. 2.14b. Thus, the effect of
positive feedback is to increase the effectlve capacitance from C to C + C,rand to
decrease the damping. The input admittance is still that of a RLC tank circuit. For
an appropriate choice of C,, such that

. . . .. RR
frequency % the input impedance is resistive < ) In the presence
* 2n/C; RR,C R+R;

RRy

the resistance across the tank circuit can be completely cancelled thus realizing an
oscillator with a frequency of oscillation given by
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a
b e
1 ‘ 1
o | R, ® : ®
| CRR; !

C R .
L=z | Lz
S v

! |
! ! Cyr | ~RCYCpy
| |

— o ' @ ® :

Fig. 2.14 (a) Multiple feedback filter using differential output opamp; (b) input impedance
(Adapted from [2.35] ©IEEE 2008)

Sose = ! (2.65)

21,/ (C+ Cpr) CrR Ry

The transfer function of the realized filter of Fig. 2.14a taking into account the
finite gain of the opamp A can be obtained as

v, Ry

L,  D(s)

where
1
D(S) = S2RRf (C+Cpf') Cf (1 +Z>

+s(cf (R+Rf)(1 +%) —Cpy Rf+(c+jﬂ) + (1 +%) (2.66)

Considering first the case of an opamp with infinite gain, denoting C = c2Cf,
Cpr=aCp R = R, the pole-frequency ,, and the pole-Q Q,, can be written as
follows.
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1
w,=—— 2.67a
r CrRrvec? +o ( )
rve? +o
0, =4 (2.67b)
r2(1—a)+1

Note that o indicates the amount of positive feedback. Techniques for arriving at
an optimum choice of the various degrees of freedom o, ¢, and r for given R and C
values to arrive at a desirable solution to minimize the active and passive sensitivities
or the spread in component values have been described in detail in [2.36].

It must have been noted that single-amplifier structures do not have flexibility in
controlling the pole-frequency, gain, and pole-Q independently using separate
noninteracting controls except in a few cases. Moreover, these generally have
high sensitivities and require a large spread in component values. This is the reason
for preferring multiple amplifier biquads.

2.6 Biquads Using Two Opamps

2.6.1 GIC-Based Biquads

A GIC (generalized impedance converter) [2.37] is shown in Fig. 2.15a. This circuit
realizes an input impedance given by

Zy 23 Zs
Zip=——7— 2.68
"= 7 (2.68)

Note by virtue of the high gain of the opamps, all internal inverting and
noninverting input nodes of the opamps are at the same voltage. It is interesting
to see that a lossless grounded inductance can be realized when either Z, or Z, is a
capacitor:

Zin =2 CBREs in the case Zy = 1/5C or Z;, = AEREs in the case Zy = 1/5Cy
sCoR| R3 Rs .
Ziy = % in the case Z, = 1/sC, or Z;,
4
C4R| R3 R
= 54;?# in the case Zy = 1/sC4 (2.69)
2

The value of the inductance can be changed by any one of the various resistors.
They can be chosen equal for convenience as well.
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-
1
1
1

Fig. 2.15 (a) A Generalized impedance converter, and (b) application of (a) to realize a second-
order filter

As an alternative, if both Z, and Z, are capacitors, a grounded frequency-dependent
negative resistance can be obtained with input impedance of the form s>D:

Zin=25>Ri R3 Rs C» C4 (2.70)

For s = jw, evidently Z;, = —? Ry R3 Rs C, C4 which means that a negative
resistance is realized (due to the negative sign) which is frequency-dependent due to
the w? term.

As yet another alternative, by choosing two of the impedances Z,, Z3, and Zs as
capacitors, a grounded supercapacitance with impedance of the form 1/(s*C) can be
obtained. As an illustration, for Z; = 1/sC; and Z3 = 1/sC3, we have

Rs

Zip =5
" S2C1 C3 R2 R4

(2.71)
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The application of these to realize high-order filters is shown later.

It is easy to build second-order filters based on classical RLC circuits based
on the use of LC tank circuits. For example, a band-pass filter or a high-pass filter
can be obtained as shown in Fig. 2.15b by choosing Y4 = sC¢, Y7 = 1/R;, or
Ys = 1/R¢, Y7 = sC5. In the case of a band-pass filter, the pole-Q can be controlled
using R, whereas in the case of a high-pass filter, the pole-Q can be controlled
by Rg.

The various transfer functions in the case of the choice of Y, = sC,, are as
follows.

v Y, Y
LA $C2 Xe ¥y (2.72a)
V,' 52 C2 Y4 C6 +SC2 Y4 Y7+Y1 Y3 Y5
Vv Y4 +Y5)sCr Y
Vi_ (Ya +¥5)sCo ¥ (2.72b)
Vi 5‘2C2Y4C6+SC2Y4Y7+Y1 Y3 Y5
Vv Y Y —Y3Y
2 7(sCy Y4 —Y3Ys5) 2.720)

Vizsz C2 Y4 C6+SC2 Y4 Y7+Y1 Y3 Y5

It may be noted that only the band-pass transfer function is available as V., and V;
outputs and the other transfer function is not useful.
In the case with Z, = 1/sC,4, we have

Vi _ sCa ¥s 17 (2.73a)
Vi $2C4YyCs+sCy Y Y74+Y, Y3 Y5 '

\% Y)Y, Y

Vi (sCa +¥5) Y2 ¥y (2.73b)
Vi §2C4YyCo+5Cy Yo Y7+Y Y3 Y5

Vv Y7 (sCr Y4 —Y3 Y

2 1(5C2 Y= X5 ¥s) (2.73¢)

V,' _S2 C4 Y2 C6+SC4 Y2 Y7+Y1 Y3 Y5

Note that only (2.37a) realizes a useful transfer function.

The denominator of the transfer function of the general structure of Fig. 2.15b
taking into account the finite bandwidth B of the opamp and assuming identical
opamps is given as

2

D(s) = (Y1 Ys Y3+ Y5 Y4 Ye) + (¥, +Y6)(Y3+Y2)(Y4+Y5)<;+;2> (2.74)

For the choice Y, = sC,, Y¢ = 5C, and all other admittances as resistors, to
realize a band-pass filter transfer function at V4, (2.74) becomes
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4 Cﬁ CZ

Ces C
+S3( GB 2(Y4+Y5)+

D(s)

(Ysa+Ys)

(Y4+Y5)(C6 Y;4C, Y +C, Y()) +Y, Y4 Y
82
(Ya4+Ys)Y1+Y6)Y;s (Ya+Y5)(CoY3+Cr Y +C YG))
5 +
B B
(Y4+Y5)(Y1+Y6)Y3
B

+ 52 (Cz Yy Yo+

+s<C2 Yy Yo+ )-I-Yl Ys Y3 (2.75)

The resulting modified pole-frequency can be calculated by looking at the s°
and s° terms under the condition Y; = Y3 = Y, = Y5 = /R, Y, = Y4 = sC, and
R(, - RQI’

1
2:1+2<2+>‘°” (2.76)

Note that the results are same in the case Y4 = sC4andY; = Y3 =Y, = Y5 = 1/R.

2.6.2 Two-Amplifier Biquads Derived from
Single-Amplifier Biquads

The single opamp-based biquads described earlier have used noninverting input of
the opamp as well. However, in order to reduce the effect of parasitic capacitances
at the inverting input of the opamp, it is useful to derive filters using opamps with
grounded noninverting input. Equivalent filter configurations can be derived based
on the nodal voltage simulation technique [2.38]. In this technique, the equations at
the internal nodes of the original circuit are realized in a different way so that the
opamp noninverting inputs can be grounded.

As an illustration, consider the active RC filter of Fig. 2.12a redrawn in
Fig. 2.16a. At node A, we have

V"'+v C,=pV 1+ C (2.77)
R2 08y = 0 R2 sCa .

which can be rewritten as

—+V sCz(l—ﬁ)—(—) V,=0 (2.78)
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59
a
R
\ 4YAVA
B
¢ -
b R,(1-B)/B

Cyn] i

Ri(1-p) | Ry(1-P), —
AN

A R
Ve m, |2 >N
- C/1-p) Voo g S

Ry(1-0-B)

Fig. 2.16 (a) Multiple feedback-type low-pass biquad, (b) circuit derived using nodal voltage
simulation, and (c) circuit derived from Friend’s biquad (c Adapted from [2.38] ©IEE 1984)



60 2 Active RC Filters Using Opamps

This equation is implemented as shown in Fig. 2.15b using resistors R,, capaci-
tor C»(1 — f), resistor R»/f3, and inverting amplifier of gain 1. Similarly, at node B,
we have in the circuit of Fig. 2.15a

Ri Ry Ry

v, V., BV, L1
=V l—+—+— C 2.79
(R1+R2+R3+s 1> (2.79a)

This can be rewritten first as

Vi*Vx 1 ﬁ lfﬁ
0— X — —_— = X 2.
R + (V. V,)(R3+R2> 14 <R2 +sC1) (2.79b)

and next by dividing throughout by (1 — f) as

i~ Vx 1 ﬁ
(- PR, ' Vo) (R3 1-p Rl —/3))
1 SC1

in order to retain R, the same from V, to virtual ground already present for realizing
(2.79a) so that at node V,, we obtain the same equation as in Fig. 2.16a. Note that all
resistors and capacitors are realizable since 0 < f§ < 1.

This technique was originally used for the Friend—Deliyannis biquad [2.29] of
Fig. 2.11a which realizes exactly the same transfer function. The resulting two-
amplifier circuit is presented in Fig. 2.16¢ for completeness. The circuit still has one
internal node at which the parasitic capacitance can be absorbed by the capacitor C,.

2.7 Biquads Using More Than Two Opamps

2.7.1 KHN Biquad

The well-known Kerwin—Huelsman—Newcomb (KHN) biquad [2.39] also known as
the state variable biquad is presented in Fig. 2.17a. This circuit using three opamps
realizes high-pass, band-pass, and low-pass transfer functions at the output
terminals of the three opamps. The transfer functions of this circuit can be derived

as follows.
Re <1+§—Z>

Vir _ (s £ Ro) (2.80a)

V. Ci Ry Rs R R:
t 52 Cy C2R1R2+S(R5+R;)(1+R_z>+R_Z
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Fig. 2.17 (a) KHN Biquad, and (b) additional circuit to obtain a general biquadratic transfer
function

VBp = — SC] R1 VLP (280b)
Vip =5* Ci Ry C2 Ry Vip (2.80c)

Evidently, all three transfer functions are available. The choice of components
R, =R, =R, C, = C, = C, Ry = R; simplifies these transfer functions as

2R
R R
VTL,.P = (s +2C613R ., Vep=—sCRVip, Vyp=s>C*R*Vip
PR s — 241
(Rs +Rs)

2.81)

Evidently, the pole-frequency w, = 1/CR and the pole-Q is given by

Qp _ R;ZSRG or 2_: — ZQ,; -1 (2.82)
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Thus, the circuit has low pole-Q sensitivities and low pole-frequency
sensitivities and has the capability for orthogonal tuning of the pole-frequency

and pole-Q. The dc gain of the low-pass filter can be seen to be (2 — QL) which
P

cannot be independently controlled.
It is interesting to note that at node “d”, a notch transfer function is realized [2.41]:

R 2 M2 p2
Va Totm (s* C* R*+1)

Vi 8 C R4 s+ 1

(2.83)

The three outputs of the three opamps in the KHN biquad can be summed using
an additional summing amplifier as shown in Fig. 2.17b. The resulting transfer
function is given by

2 Rp Rp Rp
vy, $¢ Rzﬁ—sCR(z—Qip)ﬁ—&-ﬁ(Z—Qip) .
Vi 2 CE R+ s(—m’“) +1 '

Rs +Rg

Taking into account the finite gain bandwidth product of the three opamps,
assuming identical opamps with B; = B, = B3 = B and denoting © = CR, the
denominator of the transfer function can be derived as

2 2 2
5T 4 (577 41 5 (6T 41 2 of o 1 2t 2Pt
D(s) =2s g (—32 +B—3> +s (B—2+—B to)ts\ Tttt g

—|—S<ZBF—|—2[%> +1

(2.85)
Thus the perturbed pole-frequency and pole-Q can be expressed as
2 2
Z—§=1+%<1+21z>+% (2.862)
and
w”—%’:1+&(1—4Q)—6w§Q”—2Q <w—’3’> (2.86b)
o 0, B P B2 »\ B3

In the KHN biquad, the front-end opamp uses both inputs of the opamps. Hence
parasitic capacitance at the noninverting input may affect the frequency response.
An alternative circuit known as the Tow—-Thomas biquad is considered next.
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C

Fig. 2.18 (a) Tow—Thomas biquad, and (b) summing amplifier to realize a general biquadratic
transfer function

2.7.2 Tow-Thomas Biquad

This circuit and the KHN biquad are known as two-integrator loops. Essentially,
the Tow—Thomas biquad [2.23, 2.42] shown in Fig. 2.18a uses an inverting lossy
integrator formed by Ry, R,, R3, C, and OA A and a noninverting lossless integrator
formed by R’, R, C, and OAs A, and A5 in a feedback loop. The transfer functions of
this circuit can be derived as

R

Vie — _ R Vgp = —sCRV 2.87
7 s2C2R2+sC§—z+1’ BP LP (2.87)

under the condition R; = R. Note that an inverting low-pass transfer function is
available at the output of opamp 2. Evidently the pole-Q is dependent on R,/R3 and
the pole-frequency is dependent on R and C. The low-pass transfer function exhibits
a dc gain of R/R; and the band-pass transfer function has a center frequency gain of
R>/R,. This circuit evidently enjoys low sensitivities of pole-frequency and pole-Q
to passive components.
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It is possible to derive a general biquad by using an extra summing amplifier to
combine the input and low-pass and band-pass outputs as shown in Fig. 2.18b. The
transfer function of this circuit is given by

P COR R+ CR(ER ) 4ok

— (2.88)
2 CP R+ sCE 41

SIS

Taking into account the finite gain bandwidth product of the three opamps,
assuming identical opamps with B; = B, = B3 = B and denoting © = CR, the
denominator of the transfer function can be derived as

D(s):2s5;—23+s4<;<1+QLP+R£1>+%;+;>
+s3<4T2+2T+3T<2+1+R>+2<1+1+R>>
B B0, B\ 0 R) B 0, Ri
+s2<rz+3<2+i+R>+ 2 +i+i<1+i+ﬁ>>
B 0, B*Q, BQ, B’ 0, R

1
1 2.89
+S<B . Q,,) . (2.89)

Thus the perturbed pole-frequency and pole-Q can be expressed as

o) 4 R\ o 3 R
=1+-L(2+— 14+ 2.90
+ <+Qp+ >+ <+Qp+ ) (2.90a)
and
90 O oy %D 5 3R\ L, (9
d)pr_1+B(1 40,) 5 6+Qp+ 20, | 35
1 R
14— 2.90b
(Q) 2900

Example 2.7 Plot the low-pass and band-pass transfer functions of the
Tow—Thomas biquad shown in Fig. E.2.7. using a nonideal macromodel of the
opamp. The biquad is designed for a pole-frequency = 100 KHz, midband gain of
band-pass response, and pole-Q of 40.
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Fig. E2.7

The two transfer functions can be seen to have slightly different peaks so that
scaling will be necessary to equalize the outputs. The pole-frequency evidently has
decreased due to the finite bandwidth of the opamps.

*Tow-Thomas biquad
R11210K
R223400K
C123159 pf
R3211 10K

E1 0420 100,000
R4451k
C350159 uf
E230501
R53610K

R667 10K

E3 08 6 0 100,000
R789 1k
C490159 uf
E470901

R8710 10K

C210 11 159 pf

E5 0 12 10 0 100,000
R912131k
C5130 159 uf
E61101301

vin 10 ac lv

.ac dec 1000 1 1,500 k
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dB db(mag(v(11))) db(mag(v(3)))
200 ____________ :' _____________ 'r--—----—--—-—--—:- ____________ :
T RS T e b s
: ; N : i
i N i
0.0 i 0 =4
100 A0V SRR  NSR ..
.11 | . ———— oo s el . R
0.0 s0.0 100.0 150.0 200.0
frequency kHz

(a) With 1 MHz bandwidth opamps

dB db({mag(v(11))) — db{mag{v{3)))

T T (1 . SRR |-V - SRR

f requency kHz

(b) With opamp bandwidth 100 MHz

2.7.3 Akerberg—Mossberg Biquad

Akerberg and Mossberg [2.24] suggested an active compensation technique without
using any additional components. The noninverting integrator realization based on
this approach has already been described in Fig. 2.4d. The denominator of the
transfer function of this biquad shown in Fig. 2.19 can be derived as
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Fig. 2.19 Akerberg—Mossberg biquad

212 27 61 312
5 4
D(S)ZS (?)4_51 (B‘%—QP+E++?>

+S3<4+5r+ 2, 31 +2r2>
ptotem s temy T
B B B, B0, B

I S S S Y (R S I
B> B B*Q, BQ, "\BQ, 0, B

(2.91)
Thus the perturbed pole-frequency and pole-Q can be expressed as
2 2
o) w 2 CU 3
A”:1+—”<3+—>+—”<2+—> (2.92a)
2 B\""0,) B\""g
and
2 3
wp Q) w, @, (50,+3) “p
—=1lt—=—-———F——-(2+4 —= 2.92b
00 T e~ (2440,)( (2.920)

It may be seen by comparing (2.92) with (2.90) that the pole-Q variation is much
smaller than in the Tow—Thomas biquad.

2.7.4 Scaling for Optimal Dynamic Range

A good design practice in both KHN and Tow—Thomas biquads is to choose equal
time constants for both integrators for high pole-Q designs. This choice has the
advantage that the maxima of all the outputs of the opamps tend to be the same for
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C»Ch Ry

R;—uR,

Fig. 2.20 Procedure for scaling for optimal dynamic range in Tow—Thomas biquad

high pole-Q designs. For low pole-Q designs, however, it is necessary to find the
maximum of the transfer functions at all three outputs of the three opamps (in the
case of the Tow—Thomas biquad only two) and then they need to be scaled to bring
these maxima to the maximum of the actual given transfer function. This procedure
is known as scaling for optimal dynamic range. The advantage of this step is
explained next using Fig. 2.20.

Consider that we are interested in the desired output V,,. Its maximum value (i.e.,
[V, (jo)|max) can be estimated. Similarly, the output V; and -V, will have a
maximum value |V; (jo)|,,., Which may occur at a different frequency. It may
happen that these two maxima are widely different in magnitudes. The purpose of
dynamic range scaling is to equalize these maxima by introducing a scaling factor u
such that u|V; (jo)| . = Vo (j®)| iy - This ensures that the input signal can be
increased safely and either V,, or V saturate at the same input level. This scaling to
change V to uV can be accomplished by changing R, and C in the feedback path of
opamp A, to uR, and C/u. Since the gain of the stage using resistors R’ and R” is
unity, these can be retained as they are. Since the output V; has changed, the loop
gain can be kept constant by changing R to uR in the third stage. The maxima of the
second-order transfer function can be obtained through closed-form formulae
[2.40] presented in Appendix B or by plotting to find out the maximum.

2.7.5 Variants of Tow-Thomas and KHN Biquads

Several alternative forms of TT and KHN biquads can be derived by using the nodal
voltage simulation technique [2.41] from the single amplifier multiple-feedback
low-pass filter of Fig. 2.16a. Note that earlier, circuits using only the inverting input
of the opamp were derived. On the other hand, in these circuits (see, e.g.,
Fig. 2.16¢), an internal node still existed where parasitic capacitances were present.
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Fig. 2.21 (a) Multiple-feedback low-pass filter, and (b) circuit derived from (a) using nodal
voltage simulation (Adapted from [2.41] ©IEEE 1985)

These internal nodes also can be eliminated by applying the nodal voltage simula-
tion technique described next.

Consider the multiple feedback active RC filter of Fig. 2.21a. By writing nodal
equations at nodes 1 and 2, the circuit of Fig. 2.21b can be constructed. Note that
-V, is realized first and then using an inverting amplifier of unity gain, V, is
realized. The circuit used to realize V,, from V/, is preserved. Thus the nodal voltages
are preserved in the new circuit. The similarity of the circuit of Fig. 2.21b to the
Tow—Thomas biquad can be observed except that the damping (pole-Q determin-
ing) resistor is dependent on three resistors R, R,, and R3 in which place a single
resistor Ry can be used to control the pole-Q.

We next consider the circuit of Fig. 2.22a, which is Fig. 2.12a redrawn for
convenience. The equivalent circuit shown in Fig. 2.22b can be derived easily. Note
that this circuit uses four opamps. The circuit cannot, however, realize a band-pass
transfer function at node x similar to that in Fig. 2.22a. The transfer function of the
circuit of Fig. 2.22b without considering the relationship of component values to
those in the circuit of Fig. 2.22a can be seen to be

<

M —1/R (2.93)

Vi ookt s(0 -5 + (- #)
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Under the condition C; = C, = C, Ry = R4 = R, and R¢ = Q,R4, Rs = R /m,
we have

0, =V and w, =, [1-2 (2.94a)

The pole-Q sensitivities are as follows.

Qﬂ m QP
0 _ _ + (2.94b)
Z(Qa _m) 1 -2
o,
a
R Ry
Vi
Vs R,
¢ —_—
BV,
b

Ry = R3||(Ry/B)
Rs = Ry|RyIR; R~
G

Vi Re= Ry(L-B)y |

Rs= Ry(1-B)/B

Ay

Fig. 2.22 (a) A multiple-feedback low-pass filter with positive feedback, (b) circuit obtained by
nodal voltage simulation, (c) modification of (b), and (d) modification of (c) ((b—d) Adapted from
[2.41] ©IEEE 1985)
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Fig. 2.22 (continued)

Thus, the Q,-sensitivities can be large for finite m.

The circuit of Fig. 2.22b can be simplified as shown in Fig. 2.22¢ needing only three
opamps. This circuit has same design equations as that of Fig. 2.22b. We next observe
that the circuit of Fig. 2.22¢ can be rearranged to obtain another circuit shown in
Fig. 2.22d which realizes effectively a noninverting integrator akin to the Akerberg—
Mossberg biquad. Note, however, the advantage is the reduction in the spread of
component values while achieving phase compensation. It is important to note that the
polarity of the opamp input terminals is different in the Akerberg—Mossberg biquad.

In order to reduce the capacitor spread, a negative resistance realized using opamp
A,, resistors (o« — 1)R, R, and Ry can be shunted to ground at the V, terminal as shown
in Fig. 2.23a [2.43]. The corresponding circuit obtained by nodal voltage simulation is
as shown in Fig. 2.23b. The transfer function of this circuit can be obtained as

Vo _ —1/R (2.95)

Vil 20 RO R () 4
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R3
Vi
G
_ ~
,_/\/\/;
(a-1)R
R
b

G

Rs= RF/(0-1)

v

Fig. 2.23 (a) A multiple-feedback active RC filter using negative resistance for Q-enhancement,
and (b) circuit obtained from (a) using nodal voltage simulation (Adapted from [2.41]
©IEEE 1985)

Thus although the pole-frequency is the same as that without the use of negative
resistance, pole-Q is affected by Rs. For the choice C; = C, = C, R; = R, = R,
we have S,% = —Qﬁfz and S,%; = Q;:Z which can be large and S,%’ =-1.

Nodal voltage simulation technique can be applied to the KHN biquad redrawn
in Fig. 2.24a as well since it uses one opamp where both input terminals are used.
The circuit of Fig. 2.24b is the exact equivalent of the KHN biquad and needs four
opamps and has the four transfer functions LP, BP, HP, and band-reject types at the
outputs of the four opamps. Two rearrangements of this circuit are shown in

Fig. 2.24c, d that do not change the internal transfer functions but change the sign
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of the LP transfer function. In the circuit of Fig. 2.24c, the integrator and amplifier
positions are changed. It uses a differential integrator formed by opamps A, and Az,
resistors R around A, resistors R4, R7 (=R;), and capacitor C,, and a noninverting
integrator formed by resistors R around opamp As, and R;,C; around OA A,. Note
that the high-pass transfer function is not realized. On the other hand, in the circuit
of Fig. 2.24d, both feedback loops feed to the input opamp A ;. The circuit uses two
noninverting integrators. Note that the circuit of Fig. 2.24d only realizes HP, BP,
and LP transfer functions. These modifications have been used in deriving SC
(switched-capacitor) filters.

As Lp

Fig. 2.24 (a) KHN biquad, (b) circuit obtained by nodal voltage simulation of (a), (¢) modifica-
tion of (b), and (d) another modification which feeds both outputs to the first opamp suitable for
deriving SC filters (Adapted from [2.41] ©IEEE 1985)
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r-----°-T--; "S- TTTT~ "
¢ Non-inverting integrator
1

Fig. 2.24 (continued)

2.7.6 Tarmy-Ghausi-Moschytz Three Opamp Biquad
and Its Variations

This is an interesting biquad [2.44, 2.45] which uses two first-order all-pass
networks in a negative feedback loop. In this circuit, shown in Fig. 2.25a, the OA
A, resistors R, R, and C (and similarly the OA Aj; resistors R’, R, and C) realize a
first-order all-pass transfer function H(s) given by

1 sCR

H(s) = 2.96
() =T 5cr (2.96)
The transfer function of this circuit can be derived as

V, R s> C> R>+ 2sCR + 1

2= 3 ( ) (2.97)

Vi Ry By
. (1 +R2) 2R g5 R<R2 1) +1

(1)
Even though there are real zeroes, these do not affect the transfer function much.
(1)
2 (’;—;— 1)

The pole-frequency and pole-Q can be derived as w, = & and Q, =
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Fig. 2.25 (a) Tarmy—Ghausi band-pass filter modification due to Moschytz, (b) and (c)
modifications of (a) to decrease the pole-Q sensitivity
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The mid-band gain (i.e., gain at w,,) is % (ZQ”%I) Note that the sensitivity of O, to
R5/R, is large:

1

0
Spl = — — 2.98
& Q,,+4Qp (2.98)

Several interesting solutions [2.46, 2.47] have been suggested in the literature to
reduce the pole-Q sensitivity. These use different techniques of implementation of
the feedback loop while retaining the two first-order all-pass filters.

In the circuit of Fig. 2.25b, note that one inverting first-order all-pass filter and
one noninverting first-order all-pass filter are used. The transfer function of this
circuit can be derived as

Vo R (s> C* R —25CR + 1) 2.99)
Vi (2R +R 2 p2 '
(2R +R2) <s2 C* R + s 2l + 1)
The resulting pole-Q is given as
R, 1
0, = %13 (2.99b)

and the midband gain is unity. Thus, it is seen that the sensitivity of pole-Q is
reduced considerably. In the alternative circuit shown in Fig. 2.25c, the realized
transfer function is

v, s* C* R* —2sCR + 1
7,‘ - 2 2 RZ( 2CR(2R3 Ri +Ry Rs —234 Ry) 1 (2.100)
§ +s Ry (R3 +Ry) +
The resulting pole-Q under the condition R3 = R, is given as
R>
=_— 2.101
0 =5p (2.101)

Thus, in this case as well, the Q-sensitivity is considerably reduced.
2.8 Second-Order Active Filters Using Amplifier Pole
and One Capacitor

2.8.1 Using Single Capacitor

We consider a differentiator circuit shown in Fig. 2.26a. The transfer function of
this circuit considering a nonideal opamp is given by



2.8 Second-Order Active Filters Using Amplifier Pole and One Capacitor 77

a
Vi
R,/B
R,
b ;\/\/;
Ry
Vi | I -
c N v,
R,
C
VX
V— | S
C — V,
+
Ria
Rip
d
Vi | |
C

Fig. 2.26 (a) An active RC differentiator behaving as a second-order band-pass filter, (b)
modification of (a) to realize variable pole-Q, (¢) modification of (b) to change pole-frequency,
(d) modification of (a) using positive feedback, (e) Rao and Srinivasan’s low-pass/band-pass filter,
(f) simplification of (e) to realize a low-pass/band-pass filter, and (g) a simplification of (e) to
realize a notch filter (b Adapted from [2.48] © IEEE1977, d,e Adapted from [2.49] ©IEEE 1979,
f, g adapted from [2.52] ©IEEE 1979)
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Fig. 2.26 (continued)

Vv —sB
% v (2.102)
i s 4 B
(Sz Tem T CR2>
This is a band-pass transfer function with the pole-frequency being w, = CLRZ

and Q, = v/BCR,. Interestingly maximum ®,0, = B thus showing that a band-
pass filter with large pole-frequencies can be realized with moderate Q. It is
interesting to note that a high-pass transfer function is realized at the inverting
input of the OA. It may be appreciated that in effect the opamp with feedback
resistor R, realizes a grounded inductor of value R,/B shunted by a resistance R, as
shown in Fig. 2.26a. Note that the addition of a resistance [2.48] as shown in
Fig. 2.26b facilitates changing the pole-Q without changing the pole-frequency.
The resulting transfer function of this circuit is given as

, _sB
Vo _ _ S (2.103)

V; s
(2 +e(F+a) + &%)
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Thus, the pole-Q can be controlled by R;. Note, however, that the resulting w,

0, = RIB f}ez is less than B. The pole-frequency of the filter can be controlled by

using a potential divider formed by resistors R4 and R, in place of the resistor R
in Fig. 2.26b as shown in Fig. 2.26c. Note that the opamp is characterized in this
case by the equation V, = —V,fB/s effectively showing that the bandwidth has

become fiB where f§ = RlARiARIB' Note, however, that modified bandwidth B is less

than the actual bandwidth B.
The realizable pole-Q can be enhanced using positive feedback [2.49] as shown
in Fig. 2.26d. This circuit realizes a transfer function given by

, B
Yoo _ > (2.104)

Vi (sl )+ ")

_ _Re
where ff = T

Interestingly, arbitrary pole-Q can be realized but the pole-frequency is also
dependent on f3. The circuit will realize a sinusoidal oscillator when f§ = ﬁ. The
resulting frequency of oscillation is given as B+/f(1 — ) showing that the
maximum frequency of oscillation is B/2 when f§ = 1/2. The use of a positive
feedback factor f larger than 1/BCR will lead to a relaxation oscillator. Most
textbooks describe this circuit as a relaxation oscillator that can generate square
and triangular waveforms [2.50].

Another interesting filter based on opamp pole [2.51] is presented in Fig. 2.26e.

Note that this circuit realizes a transfer function given by

B (=1 B
Vo Sﬂ3+6(R—1+1e_z) 2.105)
7 s(1 41 B :
(2+e(d+a) + )
where f§ = R;Ii‘ 7; - Note that under the condition § = Rle 7 » @ band-pass transfer

function is realized. When 8 = 0 (see Fig. 2.26f), a low-pass transfer function is
realized [2.52] as can be easily guessed by noting that the opamp with feedback
resistance R, realizes a lossy grounded inductance that together with resistor R, (as
shown before; see Fig. 2.26a) and capacitor C forms a RLC tank circuit. When
f =1 (in which case Ry = oo and R; = 0; see Fig. 2.26g), a notch transfer
function is realized [2.52] at the inverting input of the OA suggesting that a floating
inductance is realized between A and B terminals with a parasitic resistance as
shown in the equivalent circuit in Fig. 2.26g. At the output of OA A;, a low-pass
transfer function is realized:

K B
ML 2 (2.106a)



80 2 Active RC Filters Using Opamps

1 2 R, 3
[
G
VO
Fig. E.2.8
B (L 1L
Vo C\RI " R,

Yo_ _ (2.106b)

Example 2.8 Determine the frequency response at the output and inverting input
of the opamp of the differentiator using a nonideal opamp with finite bandwidth of
1 MHz (Fig. E.2.8).

It can be seen that the differentiator circuit behaves as a band-pass filter and at
virtual ground node, a high-pass response can be seen. The midband gain of the
band-pass response is BCR = 628 and pole-frequency is 40 KHz.

*Nonideal differentiator
C1120.1uf
R1231K

E104 20 100,000
R3451k
C35015.90 uf
E230501
vinlQaclv

.acdec 101 1,000 K

dB db{mnag{v(2))) — db(mag(v(3)))
100.0p---msmg5mm-m i e ot ity oty Tl el et i

50.0}----d-14

~100. 0 fommnideid

-150.0

RN S RSP e E e

=200: 0Ll-cmdiid) oo ibdil o
1 10 100 1073 1074 1075 1076 1077
frequency Hz
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Example 2.9 Determine the frequency response at the output and inverting input
of the opamp of the active-G,,-RC filter of Fig. 2.26f using a nonideal opamp with
finite bandwidth of 1 MHz.

It can be seen that a low-pass response is realized at the output of the opamp and
a band-pass response at the inverting input of the opamp. The pole-frequency is
91.84 Hz.

*Low-pass filter using amplifier pole
vinlQaclv

R11218.86K

C1200.001 uf

R22318.86 K

E1 04 20 100,000

R3451K

C35015.90 uf

E230501

.acdec 101 1,000 K

v nag(w(3)) — mag(w(2))

R R I ] B A o I A B A 3

1 10 100 1073 1074 1075 1076 1077

frequency Hz

2.8.2 Second-Order Filters Using Only Resistors
and Amplifier Poles

The capacitors can be eliminated altogether in active filters by using the poles of
two opamps and only resistors. This is feasible by recognizing the fact that the
opamp basically is an integrator and hence two-integrator loops can be built to
realize biquadratic transfer functions. The simplest two-integrator loop using
opamps and resistors is shown in Fig. 2.27a. The transfer function of this circuit
is given by
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!

R, AN

oV;

ol

Fig. 2.27 Active R-filters: (a) based on two-integrator loop, (b) Ananda—Mohan structure based
on Rao—Srinivasan filter of Fig. 3.25¢, (¢) Mitra—Aatre structure. Active R filters due to (d) and
(e) Rao and Srinivasan [2.55] and (f) Schaumann [2.56] (b) Adapted from [2.53] ©IEE 1980,
(¢) Adapted from [2.54] ©IEEE 1976, (d,e) Adapted from [2.55] ©IEE 1974, (f) Adapted from
[2.56] ©IEE 1974)
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Fig. 2.27 (continued)
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R
Vﬂ R
O Ry . (2.107a)
T EEErET)E(E) )
and
Va
Ta_ S (2.107b)
Vo BZ

Thus the dc gain is given by R3/R; and independent control of pole-frequency
and pole-Q is not possible. A band-pass transfer function is also available
(see (2.107b)).

Another active R filter can be obtained from the low-pass filter derived from the
Rao and Srinivasan filter using the opamp pole and one capacitor as shown in
Fig. 2.26e [2.51] by replacing the capacitor C with a lossy simulated capacitor using
the amplifier pole [2.53]. The resulting circuit is shown in Fig. 2.27b. Note that the
OA A, and resistor R; will yield an input impedance at the terminal p given by

(2.108)

The resulting transfer functions of the circuit at both outputs of the opamps are
given by

v (e-2-8)+2(-5-2-2)

70:_ 2 (1 1l 12 14 21 ]1 12 : 41 1 (2.1092)
C EEE ) G A R) taw) th)

and

vV, S
= Bk K (2.109b)

V. 7=
Voo G R) G G R R) ate) + 1)

Evidently, a band-pass transfer function and a low-pass filter transfer function
can be realized at V,, when

=— 4+ (2.110a)

1—«a ac+oc+oc
Rl Ry Ry R4

(2.110b)

Note also that V, realizes a band-pass transfer function when « = 0.
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Mitra and Aatre [2.54] have described an active-R filter using opamps as shown
in Fig. 2.27c. The transfer function of this circuit can be derived as

SB]
Vor R

Vioog (RLI—’—RLZ—"_RLS) + %+ afBi By (Rl +R2+Rz)

2.111)

This realizes a band-pass transfer function with a center frequency gain R,/R;,
and pole-frequency and pole-Q given as

wp = \/ofB| B, (2.112a)

ofBy (R, R,
= —+1 2.112b
0,= B, (Rl + > ( )

Thus the pole-Q is controlled by ratios of resistors and ratios of bandwidths of
the opamps and the pole-frequency is dependent on opamp bandwidths. The
maximum pole-frequency is evidently B where By =B, =B and a« = ff = I.
Note that either o or f# will be sufficient so that two resistors can be saved.

Rao and Srinivasan [2.55] have described an active R filter using two opamps
which is presented in Fig. 2.27d. This uses the capacitor simulation circuit described
earlier (see Fig. 2.27b). The transfer function of this circuit can be derived as

Vo _ (l) 1—+K<i) 2.113)

K s2
B 1+531 Jr[fBIYBz

where K = 1 +Rh and f =
For high pole- Q designs, (2 1 13) realizes a band-pass response. Note also that V,,
is a low-pass transfer function:

Vv, 1 1
o < ) (mz ) 2.114)
i B\l +55 + 5w

Rao and Srinivasan have also suggested another circuit [2.55] shown in
Fig. 2.27e for realizing a low-pass transfer function:

Vv, -5
2= Ry (2.115)

Vi 1 1 K 1 (1 1 1 2 1 1 1
C k(e (G a ) w6 R
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Schaumann [2.56] has proposed another active R filter which is presented in
Fig. 2.27f whose transfer functions are given by

1 s 1
Va R_1<B_z+5)
Vi 4 +ﬁ+s(1 +L<l+l+l))+ s (l+l+l)
GR, " R3 BoR, " GB \Ri "R, " R3 By By \Ri * Ry ' R;
(2.116a)
and
1
Vo _ i
Vi L_~_£_~_S(l +L<L+L+L))+ 2 (L+L+L)
GR; R3 B> R, GB; \R; Ry R3 By By \R; Ry R3
(2.116b)

Note that although V,/V; is a useful transfer function, V,/V; is not a useful
transfer function. Schaumann suggests tuning the circuit for pole-Q, gain, and
pole-frequency using R, Ry, and f3, respectively.

The various configurations of active R filters have shown that ratios of resistors
or ratios of bandwidths of opamps can control the gain and pole-Q whereas the
pole-frequency is still dependent on absolute values of bandwidths of both opamps
which vary with temperature and power supply voltage. Hence active R filter
designers have suggested the concept of master—slave tuning which laid the foun-
dation of continuous-time filter tuning. This topic is discussed at a later stage in this
book.

Example 2.10 Determine the frequency response at the output and inverting input
of the opamp of the active-R filter using two nonideal opamps. Study the effect of an
opamp second pole also (Fig. E.2.10).

Note that the opamp second pole is modeled by Rs5 and C,4 for one opamp and by
R; and Cg for another opamp. The effect of the second pole at 1.5 MHz is to cause
Q-enhancement and a shift in the peak frequency. The filter has a radian pole-
frequency of B/v3. The band-pass midband gain is 1. The pole-Q is 3.

Fig. E.2.10



2.8 Second-Order Active Filters Using Amplifier Pole and One Capacitor

*Active R filter
RI121k
R2231k
R3241k
E10520 100,000
R4561k
C36015.90 uf
E230601

E3 7030 100,000
R578 1K

C4 80159 uf
E440801
vinlQaclv
.acdec 101 1,000 K

v nag(w(4)) — mag(w(3))

1 10 100 10°3 1074
frequency Hz
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*Active R filter using second pole
R1121k
R2231k
R3241k

E1 0520 100,000
R4561k
C36015.90 uf
E290601
R59101K

C4 10 0 106.15 pf
E3301001
E4 7 03 0 100,000
R678 1k
C580159 uf
E5110801
R711121k
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C6 12 0 106.15 pf
E6401201
vinlOaclv
.acdec 101 1,000 K

v nag(w(4)) — mag(v(3))

8.0

1 10 100 10"3 1074 107§ 10”6 1077
frequency Hz

2.9 Active Filters Based on RLC Ladder Filters

Thus far, we have considered the design of active RC filters using the cascade
technique. The advantage of this technique is that proven and high-performance
biquads can be chosen to realize the high-order filters. But this technique has the
drawback that there is no interaction between the various biquads. Thus, the
individual biquad performance gets transferred to the output of the high-order filter.
On the other hand, doubly terminated passive ladder filters using inductances,
capacitances, and resistors have been found to exhibit very low sensitivity due to
the coupling that exists among all the components in the ladder filters. Any
variation in any one component will propagate to the source end as well as
termination end and the resulting frequency response has very low sensitivity.
This fact has been pointed out by Orchard [2.57] in his famous argument.

Consider, for instance, a high-order filter with equiripple pass-band. This implies
that there are several points of inflection in the pass-band. At these critical
frequencies, the derivative of the transfer function is zero. Thus, it follows that
the sensitivity to any component at these frequencies is zero. Therefore by having
several frequencies at which sensitivity of the transfer function is zero, in between
these frequencies also, sensitivity tends to be low. This has been extensively
verified by simulation for the past few decades. Hence, active filters based on
RLC prototype ladder filters tend to lead to low-sensitivity designs.

Thus low-sensitivity active RC filters can be derived by imitating the RLC
ladder filters. There are other techniques of high-order filter design that are not
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Fig. 2.28 A RLC prototype fifth-order low-pass ladder filter

based on simulation of RLC ladders. These are based on multiloop feedback
technique. Both these topics are covered in the next two sections.

Active filters can be derived from RLC filters using two methods. In one method,
for example, the inductors in the RLC low-pass filter prototype of Fig. 2.28 are
replaced by active simulated inductances. This technique is known as the compo-
nent simulation technique. In the second option, the internal working of the
prototype RLC is filter is mimicked. By this, we mean that the nodal voltage
equations are realized as being the same. This technique is known as the opera-
tional simulation technique.

Even though the component simulation technique is feasible, it will usually lead
to a large number of components for realizing a floating inductor especially as
compared to the operational simulation method.

2.9.1 Component Simulation Technique

In order to realize the circuit of Fig. 2.28 evidently one needs floating inductors. In a
previous section, grounded inductance simulation based on GIC was described (see
Fig. 2.15a). Other alternatives also exist. Consider another grounded inductance
realization circuit shown in Fig. 2.29a [2.58]. The grounded inductance needs to
have an input impedance of sL. The basic principle of inductance simulation is
shown in Fig. 2.29b. The following equation describing the current through an
inductor and the voltage across it can be written to mimic an inductor:

Vi V=V,
[=—=-—1"2¢ 2.117
"= R, ( )

Thus, we have to realize V,, from V; such that

Ve Ry Ry
—=1-—=2— (14— 2.118
Vi sL ( +SL> ( )

so that a resistance inserted between V; and V,, simulates an inductance.

We need to generate a voltage V,, from the input voltage V;. The gain of 2 is
achieved by using a noninyerting amplifier formed by opamp A, and two resistors
R'. The transfer function (1 + ﬁ is obtained by using the subcircuit shown in
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Fig. 2.29 (a) A grounded
inductance simulator, and
(b) the basic principle of
grounded inductance
simulation (Adapted from
[2.58] ©IEEE 1967)

Fig. 2.29a in dotted lines and the needed inversion is carried out by the opamp A,.
It should be noted that the block used to realize the voltage transfer function
(1 — (Ry/sL)) must have high input impedance. The inductance realized is given
by CR 1R2.

For the realization of floating inductance, it is required to augment the circuit of
grounded inductance shown in Fig. 2.29b, by lifting the grounded terminal off the
ground and connecting another similar circuit back to back as shown in Fig. 2.30a.
The active RC implementation is as shown in Fig. 2.30b. Note that (V,—V}) is
available across the resistance R which is integrated using capacitors C and opamps
A; and A,. These outputs of the integrators are added appropriately with the
terminal voltages V, and V, to realize V, and V/, such that

Vo—Vp
= 2.11
Vy Vb+ SCR ( 93.)
and
Vb _Va
Ve=V, 2.119b
) +—Cr ( )

Thus, the currents flowing into the terminal A and B are % and %2 1; Yy which

correspond to a floating inductance of value CR”. Note that the circuit needs two
capacitors and Ry = R, = R.
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Fig. 2.30 (a) A floating a

inductance simulation R,

scheme based on the ﬂ
grounded inductance of \A Vi
Fig. 2.29a, (b) conceptual Circuit generating
model ((b) Adapted from V,and V,

[2.58] ©IEEE 1967) of

floating inductance
realization, and (c) another
floating inductance
simulation circuit
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A modified circuit that needs only one capacitor is shown in Fig. 2.30c. Note that
the buffer-connected opamps A3 and A5 are needed to isolate loading of the V,, and
V,, terminal by the resistor R. In the conceptual model of floating inductance
realization shown in Fig. 2.30a, it can be seen that

= (2.119¢)

or alternatively, we have
Vi=V,+V, -V, (2.119d)

Hence V, can be realized using the modified grounded inductance circuit as
shown in Fig. 2.30c and using an additional OA A, and four equal resistors, V, can
be realized. It may be noted the circuits of Fig. 2.30b, ¢ rely on matching of
components for exact floating inductance realization.

All-pole high-pass filters can be easily realized using the grounded inductances
described above. Floating inductances can be avoided in the design of all-pole low-
pass filters using the concept of FDNR which is considered next.

2.9.2 FDNR-Based Filters

Bruton [2.59] has introduced the concept of frequency-dependent negative resis-
tance (FDNR) in order to facilitate easy realization of low-pass active RC ladder
filters. Consider once again the prototype of Fig. 2.31a. Bruton suggested dividing
all the impedances by s so that the transfer function remains unchanged. Then the
following equivalences will occur.

R changes to & (a capacitor of value 1/R)
% changes to ﬁ (a frequency-dependent negative resistance D = — 1 / (a)2 Q)
sL changes to L, a resistance.

Thus, floating inductances are transformed to floating resistances and resistors are
transformed to capacitors and capacitors are transformed to grounded FDNRs as shown
in Fig. 2.31b. The impedance — 1 (w2 C) is real and negative and hence is a negative
resistance, however, it is frequéncy-dependent due to the w® term. Fortunately,
grounded FDNR can be easily realized using a GIC (generalized impedance converter)
studied in Fig. 2.15a. Note, however, that unlike the RLC prototype, the low-pass filter
does not have a dc response as needed for a low-pass filter, since input is fed through a
series capacitor. This situation can be remedied by shunting the input and load
capacitors by resistances which, of course, changes the frequency response slightly.

Note, however, that this technique is applicable only for low-pass ladder filters.
The FDNR is also known as supercapacitance.
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a
Vi
Rs
b
—7 1y ’\""1
: v R,v |
S
1
A | | .
Vi 1 NN "W v,
C, R, R, c, !
J i J i \)
- D2 — D3 — T \/\ R,L

Fig. 2.31 (a) A fifth-order low-pass ladder filter prototype, and (b) a grounded FDNR-based
circuit derived from (a)

2.9.3 Active RC Ladder Filters Based on Operational Simulation

2.9.3.1 Low-Pass Ladder Filters

In this technique, the nodal voltage equations are realized. As an illustration,
consider the RLC low-pass all-pole ladder filter prototype shown in Fig. 2.32a.
One can easily write the nodal voltage equations at nodes 1, 2, and 3 as follows.

Vi—V
L =5V, (2.120a)
V-V
=21 (2.120b)
SL1
Vo—V
L=-2"13 (2.120c)
SL2
1%
— (I +15)=—> (2.120d)

SC2
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I s
I
° R
Vi—/\/;/\ /\/\S/\ /\/\/\
.

As

Fig. 2.32 (a) A passive RLC ladder prototype, and (b) a leap-frog active ladder filter derived
from (a)

Vo
Ih=V,sCs =" (2.120e)
L

Note that by considering —V|, V, and —V, are realized at the outputs of the OAs,
these equations can be easily realized as shown in the complete circuit of Fig. 2.32b.
Note that the currents through the inductors /; and I, are also realized at the outputs
of OAs A and Ag as I1R and LR using noninverting integrators formed by (A, and
Aj3) and (As and Ag) and associated resistors and capacitors, respectively. All the
equations (2.120) can be realized using integrators. The termination resistances R;
and R, will form part of the damped integrators as shown. The inductance and
capacitance values in the prototype directly correspond to the integrating
capacitors. The elegance of obtaining the circuit from the prototype of Fig. 2.32a
has been noted.

Note that in a good design, there is an additional scaling step for optimal
dynamic range. This requires that the currents through the inductors and voltages
across the capacitors (i.e., the state variables realized at the output terminals of the
various opamps) need to be analyzed to find their maximum value across the
complete frequency range and then these voltages would be scaled to be equal.
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C, C.
I |
a 10 1
v 4\/\/\ YY) YY) v
RV L Vv, L,
T Cl T Cz T Cz RL
+ + +
v.eiCc+C) ) (v,c v Cy
(CHCHCy V,C/(C+Cy)
Cc
Rs % R \
3 L 4
Vi
R R R,
A, R’ Ag
/4 S
C,+C+C,
e 1T LT

Fig. 2.33 (a) A passive RLC fifth-order elliptic low-pass ladder filter prototype, (b) an equivalent
of (a), and (c) leap-frog active ladder filter derived from (b)

The scaling procedure has been illustrated in Fig. 2.20 for the case of the
Tow—Thomas biquad which in fact is based on an operational simulation of a
second-order singly terminated filter (R, or R, = 0).

For several years, the operational simulation of low-pass elliptic filters was not
easy. However, during the course of research on SC filters, Allstot, Brodersen, and
Gray [2.60] suggested an ingenious technique of realizing low-pass elliptic filters.
This approach is considered briefly next. In this method, the nodal equations at
nodes Vi, V5, and V3 in the prototype filter of Fig. 2.33a are rewritten so that by
augmenting additional components, the low-pass filter structure can still be used.
The circuit of Fig. 2.33b can be seen to be the exact equivalent of the prototype
fifth-order elliptic low-pass filter circuit of Fig. 2.33a, wherein new voltage sources
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are introduced. Also, note that the original grounded capacitor values C, C,, and C;
are increased. This circuit can be realized by the active RC filter of Fig. 2.33c in
which the two pairs of cross-coupling capacitors facilitate the realization of the two
pairs of transmission zeroes. Note that for each floating capacitor in the prototype,
we have used two cross-coupling capacitors. However, it has been shown by
Allstot, Brodersen, and Gray [2.60] that the mismatch of these capacitors does
not affect the frequency response of the realized filter.

Example 2.11 Plot the frequency response of (a) the third-order elliptic ladder
filter using SPICE and (b) leap-frog simulation of this filter considering the opamps
to be nonideal. (c) Use an Akerberg—Mossberg type integrator for the middle
integrator and evaluate the behavior.

*Third Order RLC Elliptic filter
Rs 122 1,000

RL 23 0 1,000

C21220 1,203 pf

L21 22 23 962 uh

C22 22 23 201 pf

C23 23 01,203 pf

The operational simulation yields the active RC filter of Fig. E.2.11a. It can be
seen that there is undesirable peaking at the pass-band edge and the transmission
zero is obscured. The use of the Akerberg—Mossberg type of noninverting integra-
tor improves the frequency response as shown (see Fig. E.2.11b).

* Third order leap-frog ladder filter
R1121K
R7821k

Fig. E.2.11a



2.9 Active Filters Based on RLC Ladder Filters

R2231k

C1 2 3 1,404 pf

C2 87962 pf
R667 1k
R5461k
R3341k
R4451k

R889 1k
R9951K

C3 95 1,404 pf

C4 25201 pf
C539201 pf

E10 102 0 100,000
RI010111k

C6 110159 uf
E2301101

E3 012 4 0 100,000
RI111213 1k
C7130 159 uf
E4601301

E5 0 14 7 0 100,000
R12 14151k

C8 150159 uf
E6801501

E7 016 9 0 100,000
R131617 1k

C9 170159 uf
E8501701
vinlQaclv

.ac dec 10 1 1,000 k

dB db({mag(v(5))) — dbi{mag{v(23)))

500 Pt 8 i 4 i o1

-50.0

-100.0

frequency

97
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Fig. E.2.11b

2 Active RC Filters Using Opamps

* Third order leap-frog ladder filter Akerberg—Mossberg

RI121K
R7621k

R223 1k
Cl12 3 1,404 pf
C2 48 962 pf
R567 1k

R678 1k

R334 1k
R4451k

R869 1k
RO951K

C3 951,404 pf
C4 25201 pf
€539 201 pf

E10 10 2 0 100,000
RI010 11 1k

C6 110159 uf
E2301101

E3 1204 0 100,000
RIT 12131k
C713015.9 uf
E4601301

ES5 0 14 7 0 100,000
RI214 151k
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C8 150159 uf
E6801501

E7 016 9 0 100,000
R131617 1k

C9 170159 uf
E8501701
vinlQaclv

.ac dec 10 1 1,000 k

dB — db{mag({v(5)))

-10.0
-20.0
—30.0}------do

-40.0

(RS A

5| Ty | R o) SR 1o o R e ) SRR N 50 T O ER
1 10 100 1073 1074 1075 1076 1077
frequency Hz

2.9.3.2 Band-Pass Filters

It may be pointed out that using low-pass to band-pass transformation, from the
low-pass all-pole filter structure of Fig. 2.32a, we can obtain the band-pass filters.
Note that LP to BP transformation transforms a lossless integrator to a resonator
with infinite Q whereas a damped integrator is converted to a resonator with finite
Q. The LP to BP transformation is given ass — ¢ ;;"g where the cutoff frequency of
the prototype low-pass filter is 1 rad/s, w, is the desired center frequency of the
band-pass filter, and B is the 3-dB bandwidth of the desired band-pass filter.
Note that this transformation yields geometrically symmetric responses which
means that there are two frequencies w;, w, corresponding to a given gain such
that w, = /@1 w,. Using the LP to BP transformation, an integrator and first-order
low-pass filter will yield, respectively,

1 Bs a aBs

— 2z and -2 2
s st o; s+a s*+aBs+ w;

For operational simulation of BP filters from the LC prototype, the signs of the
integrators in the low-pass prototype need to be preserved. Moreover, the
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summation of the inputs as needed in a low-pass filter needs to be done in the case
of a band-pass filter as well.

The nodal voltages V; and V3 can be expressed first from the prototype of
Fig. 2.34a as follows.

Vi 1 (V3*V1)
Yi oy (L AR Vi 2.121
R, Vi <Rs+S(Cl —|—C2)) +VisCr+ sLy 0 ( a)
Vs ViV
VisCo—Vis(Ca+Cs) ——+-—1—3=0 (2.121b)
RL SL2

(sz + (uﬁ)

5~ » Wwe obtain the

By substituting for s, the LP to BP transformation
following two equations after little manipulation:

sViB sB C
——V .92+7+a)2>+\/ S+ o?) ———
(C1+Ca)R, '( (Ci+Co)R, " ° 3 ( o) (C1+C)

_ 2 g2
Vs=Vi)s - (2.122a)
(C1 + Cz) (S2 +w(2,) L,
C
Vi(P+0l) ———— -V <2+ >
) ey el (C2+C3
AR 32 (2.122b)
-0
(C2+C3)(S2+602)L2

These equations can be implemented by the block diagram of Fig. 2.34b. Any
well-known biquad can be employed in the band-pass filter realization. The use of
the Tow—Thomas biquad for this purpose is shown in Fig. 2.34c in the complete
sixth-order band-pass filter derived from a third-order all-pole low-pass prototype
active RC filter. Note that the low-pass prototype can be scaled first for optimal
dynamic range and the resulting LP prototype circuit can be used directly to obtain
the band-pass filter that will yield an optimal dynamic range solution at the nodes
of the corresponding third-order prototype. However, for high pole-Q designs,
within the three two-integrator loops, scaling needs to be done by choosing equal
time constants for the integrators.

2.9.4 Operational Simulation of High-Pass Filters:
Yoshihoro’s Technique

The techniques presented above do not work easily for realizing high-pass filters.
Some solutions have been suggested in the literature but they are very complex.
The reader is referred to Brackett and Sedra [2.1] for more information.
Yoshihoro’s nodal voltage simulation technique [2.61] can be used to realize
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a —AAN AN Vs
Vi Rg N
i u R
C, — - G L
B
o QL A—
(CH+CHR,
sB sB
(C+Cy) (G5+Cy)

0,

AN

|
(c+cy)ic, ""cB

(CHCy)ic,

Fig. 2.34 (a) A third-order all-pole low-pass filter, (b) block diagram obtained by LP to BP
transformation from (a), and (c¢) complete sixth-order band-pass active RC filter obtained from (b)
(b Adapted from [2.63] ©IEE 1980)
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high-pass filters based on RLC ladder filters [2.62]. Consider the prototype third-
order elliptic high-pass shown in Fig. 2.35a. The equations for the node voltages V.
and V, can be easily written in terms of the neighboring node voltages as follows by
simple analysis.

a

L&

[l

. L YY) o
Vi— N\ — v,
R Vi L,
R
L; L; :

b

— AN

BP input

._/\/\/;_ Notch

output input

Fig. 2.35 (a) A third-order elliptic high-pass filter, (b) block diagram of filter obtained using
Yoshihoro’s technique, (c¢) second-order active RC BP/notch filter that can be used in (b),
(d) complete high-pass filter, and (e) equivalent model of (d) (Adapted from [2.62] ©IEE 1988)
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d
I
1
. C, 1
1 1 v,
Vv, C
L V.
R, L Y L,L3/(Ly+L3)
LiLy(L;+L,)
1 1
T
R, << == \- + ) R —— \~ +
&) / &)
NN — NN NN
-V 1 (L+L,)/ L, Vo !
(Ly+L3)/ Ly
e
.
Rl Vx Cg
R,
LLy/(Ly+Ly) L,Ls/(Ly+Ls)
+ +
V,Li/(Ly+ L) V,Ly/(Ly,+ Ly)
Fig. 2.35 (continued)
s S2 4 1
Vi=Vi N Iil oy Ve L12 C21 1
28 1 (L 1 2 _8 A1 (L 1
S +C2R|+C2(L]+L2> § +C2RI+C2<L1+L2)
=V, TW+V, T, (2.123a)
2 1
sT+ L, Cy

Vo=V,

2G| v Ty (2.123b)
Sram Tt (Gts)

Thus these two equations enable us to construct the block diagram of Fig. 2.35b
where T, T», and T3 are biquadratic transfer functions. Note also that 7| and T,
share the same denominator. The Tow—Thomas biquad circuit with appropriate
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feedforward branches as shown in Fig. 2.35c can realize a band-pass and notch
transfer function at the same output terminal, however, with a negative sign (i.e.,
—V, is realized). A similar circuit with only the input to realize a notch transfer
function, can be used to realize (2.123b). Since this transfer function also is an
inverting type, the desired V,, will be realized. Interconnection of these two second-
order filters will realize the complete band-pass filter as shown in Fig. 2.35d. Note
that as compared to the low-pass elliptic filter, two opamps forming a noninverting
integrator are additionally needed. The equivalent circuit realized can be drawn as
shown in Fig. 2.35e.

Note that in the case of all-pole high-pass filters, the inductor L, will be absent
and hence, the resistors (L; + L;)/L; and (L, + L3)/L; are not needed (they do not
exist) and the capacitor values LL,/(L; + L,) and L,L3(L, 4+ L3) become L, and
Ls, respectively. The voltages V), and V. correspond to the currents through the
shunt inductors in the equivalent circuit of Fig. 2.35e which need to be estimated to
determine their peak values to facilitate scaling for optimal dynamic range.

2.9.5 Operational Simulation of General-Parameter
Ladder Filters

Note that Yoshihoro’s method can easily be used for general-parameter ladder
filters as well [2.63]. Note that these general-parameter filters are not derived
from the low-pass prototypes using frequency transformation. As an illustration,
consider the twelfth-order band-pass filter of Fig. 2.36a. The block diagram shown
in Fig. 2.36b can be easily obtained. The various band-pass and notch transfer
functions are as follows.

Biquad 1:
S
Ty = e ’f — (2.124a)
sterte (L_l + L_z)
52 + _1
Ty = — Ll Czl 1 (2.124b)
Storto (E + f)
Biquad 2:
2 1
C S+ ia
Tis = 2 L G (2.124c¢)

C,+C3+C 1 1 1
2T OFC R ey ()
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a
C, Cy Cq
| | | |
I I Il v
: Y'Y Y'Y Y'Y o
Vi—A\AA 5 |
R, |V, Vs Vs
&
L, G- Cs _ L, N
Ry
b
V; Vs v,
Yy v
Til\ an Tle\TSS

L 2 /
T35\ jTos Tso T
v, v

5

Fig. 2.36 (a) A general-parameter filter prototype, (b) block diagram of the filter obtained from
(a) using Yoshihoro’s method (Adapted from [2.63] ©IEEE 1980)

2 1
s+
Ts3 = Cs Ls G, (2.124d)
CotCat+Cly s+ (C2 +Cls +Cy) (le JrLLA)
Biquad 3:
2 1
Tas = €4 *tna (2.124¢)
C4 +C5 * C6 sz + (C4+C!5 +Cs) (LL4 + Ll_ﬁ)
2 1
Tos = Co Y (2.124f)
C4 + CS +C6 S2 + (C4+C!5 +Cs) (i + flé)
Biquad 4:
Te Ce s +Lf,lc6
50 CotCr g2y

2.124
o (i1 (2.124g)
6+C1)RL ' (Co+C7) \Le
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Since only band-pass and notch transfer functions are needed, the biquad of
Fig. 2.35c can be used to obtain the complete circuit. Note that scaling can be done
easily by knowing the maxima of all the voltages at various nodes in the prototype
circuit. There is no need to compute the various inductor currents.

2.10 Multiloop Feedback-Based Active RC Filters

We next consider another technique for realizing high-order filters with low
sensitivity. This is known as multiple-loop feedback [2.64]. There are various
options available for the filter designer choosing this technique. These are
discussed next.

2.10.1 FLF (Follow-the-Leader Feedback)

The follow-the-leader feedback structure is shown in Fig. 2.37a. This structure is
designed to realize a low-pass prototype transfer function at output V,,. Usually, for
convenience all the blocks 77 — T, can be chosen to be identical. Using LP to BP
transformation, a 2nth-order band-pass filter can be realized. The multipliers f; and
summer are realized using one opamp and various resistors. The various ¢;s can be
positive or negative depending on the required transfer function. The transfer
function of this circuit can be derived as

&: D (Bit P Ti+ B3 T1 To+fy Ti T2 T3) (2.125)
Vi I+¢ Ti+qg Ty T2+ T T2 T3 g5

Considering a first-order low-pass filter with transfer function ;- to be used for
all T';s, the denominator of the transfer function can be seen to be (after multiplying

with (s + a)®)
D(s)=5+5*aB+q)+sa*>B3+2q,+q) +a (1 +q,+q9,+q;5) (2.126)

From the desired denominator of the transfer function, the various ¢; values and
a need to be determined. The next step is to determine various f3; values to obtain
the desired transfer function by matching the coefficients of s, s%, and s° terms in the
numerator. In the third-order case, the equations obtained are linear and can be
solved for ¢4, ¢», and g5 choosing a. Solutions that give positive values for various
q; are preferable to avoid additional opamps. The value of a can be chosen so that ¢,
is positive and iteratively, g, and g3 values can be calculated by matching the
coefficients. Note that all the blocks can also have different transfer functions.
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The individual blocks are of second-order band-pass type after LP — BP trans-
formation and have the same center frequency ®,. Their transfer function with pole-
frequency normalized o, to unity is given by

Ti(s) = H; @ (2.127)

where H; is the midband gain.

R/q3

R/q,

Ba

W

R/q,

Bi \Y Ba

Fig. 2.37 Multiple-loop feedback structures of various types: (a) FLF, (b) PRB, (c) SCF,
(d) MLF, (e) IFLF, and (f) MSF ((d—f) Adapted from [2.64] ©IEEE 1979)
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Fig. 2.37 (continued)



2.10 Multiloop Feedback-Based Active RC Filters 109

VANVANES

/\

Fig. 2.37 (continued)

2.10.2 PRB (Primary Resonator Block) Structure

The PRB (primary resonator block) shown in Fig. 2.37b is a special case of FLF and
is obtained by deleting the first feedback loop, that is, by making ¢; = 0. Note also
that all blocks are identical in this case. For the third-order case, from (2.126), we
obtain the denominator of the transfer function as

D(s)=s+3as’ + sa® (3 +q,) +a (1 + ¢ +q3) (2.128)

Thus, a can be obtained from the desired denominator of the transfer function
directly and using this value, ¢, and g3 can be determined. This structure is easier
to design. Note that the use of identical blocks reduces the engineering effort such
as the design of the filter and enhances reproducibility. The circuit cannot be
scaled for optimal dynamic range since all blocks have the same gain H;. As an
illustration for the realization of the third-order Butterworth transfer function
whose denominator is s> + 25> + 2s + 1, the design values are a = 2/3, ¢, = 3/2,
and g3 = 7/8.

2.10.3 SCF (Shifted Companion Form) Structure

We next consider another multiloop feedback technique as shown in Fig. 2.37c.
Note that this structure is a modification of FLF obtained by removing the first
feedback loop and making all the blocks 75, T3, ..., T,_;, T, identical whereas T is
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different. Denoting the gain of the block T, as H, and that of the other blocks as H5,
the resulting denominator of the transfer function is given as

D(s) = s> +3as* +sa* (3 +q, Hy Hy) +a® (1 + q, Hy Hy +q5 H, H3)
(2.129)

A comparison of (2.128) and (2.129) shows that although the a value is the same,
q-H\H, and g3H 1H,> can be determined iteratively. The additional degrees of
freedom in H; and H, can help to optimize the dynamic range.

2.10.4 Multiloop Feedback (MLF) Structure

The multiloop feedback (MLF) structure shown in Fig. 2.37d is similar to the
leap-frog structure. However, note that in the leap-frog structure, the intermediate
blocks have an infinite Q-factor and terminating blocks have a finite pole-Q. On
the other hand, in a MLF structure, the individual blocks can have finite pole-Qs.
This may be a benefit in practical situations where nonidealities of active or
passive devices make the circuit Q finite. Note that the feedforward portion is
not shown in Fig. 2.37d.

2.10.5 IFLF (Inverse Follow-the-Leader Feedback) Structure

In the IFLF (inverse follow-the-leader feedback) structure of Fig. 2.37e, the output
is weighted and fed to the inputs of various blocks. The transfer function of this
circuit can be seen to be

Vo T

o _ 2.130
Vi 14+F, Ty T3 +F T, T, T ( )

Note that this transfer function is similar to that of the FLF structure given in
(2.125) with ¢; = 0.

2.10.6 MSF (Minimum Sensitivity Feedback) Structure

We finally consider a generalized version known as MSF (minimum sensitivity
feedback) shown in Fig. 2.37f from which all other configurations can be derived.
The transfer function of this circuit is given as
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Vo I, 7,715 @2.131)
Vi 1+F, T\ To+F3Ty, Ts+F, T, T, Ts ’

Laker, Schaumann, and Ghausi [2.64] have thoroughly investigated all these
structures given in Fig. 2.37a—f. Their recommended design procedure is to choose
all the center frequencies the same. The gains and Q;s can, however, be different
and chosen a priori. Then, the feedback coefficients are selected to minimize the
sensitivity of the realized filters. The sensitivity can be considered to be of two
parts: one due to the individual 7; block and another due to the feedback. Their
sensitivity evaluation considered the passive sensitivities only. They have also
assumed that statistical correlation among components exists only within a section.

The PRB type, FLF, and IFLF types do not need any sensitivity optimization.
Only MSF-type filters need optimization. In these, the high-Q sections are not
necessarily most critical. Optimized LF and MLF active filters yield the lowest
sensitivities in the pass-band. Optimized FLF active filters generally yield lower
sensitivities than LF designs at the band edges and in the stop-band. The typical
results for a three-section Butterworth band-pass filter are presented in Fig. 2.38.
It can be seen that the RLC filter exhibits good performance and cascade design
is poorest among these. Among others, FLF gives the best performance. The reader
is referred to [2.64] for an exhaustive discussion on the design of multiloop
feedback filters.

2.11 Noise in Active RC Filters

The dynamic range of active RC filters is limited by the noise in active RC filters.
The noise arises because of two sources: (a) resistor noise (also called inherent
noise excluding noise of resistors used for canceling dc offset), and (b) noise due to
opamp. The opamp noise can be modeled by an input referred noise voltage source
and noise current source as shown in Fig. 2.39b whereas a resistor noise can be
modeled as shown in (a). The contribution due to the noise current source is
dependent on the resistances in the active RC filter whereas the noise voltage
source is independent of the resistances. The noise voltage and current sources
are specified by the noise power spectral density expressed as voltage square/Hertz
and current square/Hertz. Thus, depending on the frequency band of measurement,
these will be weighted to obtain the total noise by adding them since they are
uncorrelated. The resistor noise of a resistor R is modeled by a noise voltage source
e, in series with an ideal noise-free resistor R and the power spectral density is
expressed as

2 = AKTRB (2.132)

where k is Boltzmann’s constant 1.3806503 x 10~%* J/K and T is the absolute
temperature in degrees with B the bandwidth of the measurement.
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©IEEE 1979)

a
R
2

Cor

b

in2
Cna

+
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Fig.2.40 (a) A multiple feedback active RC filter, and (b) circuit of (a) with various noise sources

The noise analysis of active devices and resistors can be carried out in one
analysis and then estimated [2.65, 2.66]. As an illustration, consider the single
amplifier band-pass filter of Fig. 2.40a. The noise equivalent circuit is as shown in
Fig. 2.40b. Analyzing the circuit in the usual manner, considering the noise voltage
source as a noise voltage and noise current source as a current without worrying
about the fact that they are power spectral densities, first the node equations can be
written as follows.

€R1 1
R—+V0SC1+€,,1SC2:VX R_+S(C1+C2) (2.133a)
1 1
Vv 1
Yol ek 4y sCytlin = em (— + SC2> (2.133b)
R2 R2

Solving these two equations, we obtain

eR1 S 1 s(C1+Cy)

R T eR (CICZRI R T CiC Ry

_ s s(C1 +Go) 2 1 1 5(Ci +G)
nt (CIRI +eor, T8 trmea) tie \aer T 60

2 S(C1+C2) 1
St Rao TRE GG

(2.134a)
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It can be seen that the four noise sources have different noise transfer functions.
We next express (2.134a) as

Vo = —(egy Hy (s) +era Ha (s) + eny H3 (s) +Lp Hy(s)) (2.134b)

Note that H,(s), H,(s), and H3(s) are dimensionless whereas H4(s) corresponds to
a resistance. The total output noise e,, can be found as

G [ Go)Pdo -+, [t Go)do [ IH: o) Pdo
0 0 0
1 [ 1 o) do
0
(2.135)

Bruton, Trofimenkoff, and Treleaven [2.65, 2.66] have given closed-form
expressions for these integrals for general biquadratic transfer functions. The
low-pass and band-pass transfer functions have simple solutions:

2
o0
S Tw
— P | do= Qp 7y (2.136a)
0 |$2+sP+ w? 2
(o P s=jo
2
o0 a)f, 0, mw,
[ do = N (2.136b)
0 |$2+sAL+ w? 2
9 P s=jw

Applying these relationships, corresponding to a general biquadratic transfer
function given as

2
5% +b:
H(s) = _as Abs+c (2.137)

2 Op 2
s +S<Q,,> + w,

we obtain the noise spectral density as

to

2 2 (b —2ac & 2
oo, |T—=FE -4 +2a 4 (2 2
14 ( (0 Qp N CUp (Uﬁ a

H (jo)|* = d*
|H (jo)|” = a” + ) )

(2.138)

where

wz
D =o'+ w? (—5—2@5) + o, (2.139)
9,
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Hence, (2.138) can be written as

. b* —2ac & . 2 .
|H (/(u)|2 =a*+ (T — & + 2a2> |Hpp (/a))\2 + (E —d | |Hpp (/a))|2

14 P P
b? 2ac a? c?
=a’ B, +< —S+ad+ >|HBP(ICU)|
wp Qp wp
(2.140)

where B, is the measurement bandwidth since from (2.136a) and (2.136b),

Jo Hep (jo)|*dew and Jo" |Hgp (jo)|*dew are the same. Thus from (2.140), it
follows that

b2 —2ac 2 2 Tw

o) = By (T2 9y 2 C )BT (2.141)
w; Qp w), 2
As an illustration, for the high-pass case (b = ¢ = 0), we have
2 Tw
H, (jo)f = @B+ | -5 + & & (2.142)
02 2
For the noise source eg,, matching the noise transfer function (2.134a) with
(2.137), we note that a =0,b = CCI‘ZIZCRZZ,C =z CZIR] % and from the general
. . Ci+C) R N

formula (2.141), we obtain the noise as ez, (1 +%) |Hrp (jo)|” . In a

similar manner, we obtain the total noise of the circuit of Fig. 2.40a from (2.135) as

(Ci+ Cz)z Ry

H . 2
Ci G R ) |Hpp (joo)]

1
2 2 . 2 2
e =e —— |H (0] +e 1+
m R CU[% C% R% ‘ LP (I )‘ R (

. Ci+Cy)* R R ‘
12, (R QT KRR o)
C G,

1 2
2 Bx H i 2 2.143
em ( * e (o) R CR @, 0,C R 14

Substituting for the integrals using (2.136), we have

2 14,2 (€1+C2)* Ry 2 (p2 | (CL+C) R Ry
¢k R TR (1 t oo )T Bt (ge 0,

€n = )
Ten w2 & e1a 00T

+ep, By (2.144)

T W,
2
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It is seen that the active noise (decided by i, and e,,;) and passive noise (decided
by eg; and eg,) are dependent on the resistor and capacitor values. These can be
optimized by appropriate design.

In active RC filters, the active noise can be made low by using low-noise opamps
so that the resistor noise is dominant.

Consider, for example, the case C; = C». Evidently, for this choice in the circuit

of Fig. 2.40a, we have Q, = % \/1% and w, — =130, C ) C 7 yielding from (2.144),

2kT 1 1 o, tw
2 ek L 2 p2 L 2 2 P 2 p
A= (5 (0 (g i (1eg) <o o) 232

(2.145)

Generally i,,; and i, of the opamp will be very small, typically 0.1pA/v/Hz, and
hence the term containing i,; can be neglected. As an illustration, for realizing
0O, = 5 and a pole-frequency f, = 1,000 Hz, we obtain R—2 = 100. Next, choosing
R, = 1 KQand R, = 100 KQ and considering C; = C, = C, we have C = 15,923
pF. Considering a typical opamp with e,; = 15 nV/VHz, the total noise can be
found from (2.145) as

er = (1155.673 +26.53) 10~ "2

where the first term is inherent noise (passive noise) and the second term is active
noise. The rms noise can be found by finding the square root of e,,> and is thus
34.38 V. The active noise is more than the passive noise for this circuit.

For single-amplifier filters, Bachler and Guggenbuhl [2.67, 2.68] have suggested
that the passive noise can be modeled by a noise voltage source at the inverting

input of the opamp and the equivalent noise resistance can be estimated as Re (i)

where ( ) is the equivalent resistance at the inverting input of the opamp with the

opamp disconnected and grounding the terminal connected to the opamp output
terminal and input terminal of the filter (see Fig. 2.41a). As an illustration, for the
circuit of Fig. 2.41a, we have

= 5 3 5 3 (2.146)
(1 —w* Ry R, C, Cz) + (C] R+ C, Rl)

Re<1) Ry (1+ @? (C3 Ry Ry +2R% Cy C,+C3 RI+CT RY))

Y22

The noise can then be evaluated from the model shown in Fig. 2.41b. Note that
e,, and e,, are the active and passive noise contributions which have the same
transfer function that has already been derived in (2.134a) (see e, term). Note that
the denominator in (2.146) cancels with the squared magnitude of the coefficient of
the e,,;; term in (2.134a) yielding the same result as before. The total passive noise
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Fig. 2.41 (a) Circuit for a
estimation of passive noise 1T
of the active RC filter of C, R,
Fig. 2.40b, (b) complete
noise model

— W

R, &

can be estimated by integrating % Re (i) |H, (jo)|* where H,(s) is the transfer

function of the noise source to the output of the filter. The same result can be
obtained by combining the noise due to R; and R, in (2.144)

Bachler and Guggenbuhl [2.67, 2.68] have also pointed out that the noise
transfer function is the same as GSP which is shown next. Considering the circuit
of Fig. 2.42a, the transfer function can be written as

131
- 1
I3 +K

(2.147)

where #3; is the transfer function of the three- terminal network at terminal 3 with
input given at terminal 1. The GSP can then be derived as

1 1
GSP =AS" = S (2.148)
n+3 I

Next considering the noise source as shown in Fig. 2.42b, the transfer function is
given as

Vo 1
Lo (2.149)
e, Iy
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Fig. 2.42 (a) Circuit for estimating the GSP of an active RC circuit, and (b) circuit for noise
estimation

From (2.148) and (2.149), we see that the GSP is the same as the noise transfer
function. Note from (2.148) that the GSP is a function of frequency. It may be
recalled that in our earlier definition of the GSP with respect to A, the finite gain of
the opamp, the GSP was found to be dimensionless. Even though the GSP defined
by (2.148) is frequency-dependent, it can be shown that the GSP value at the pole-
frequency is equal to the GSP with respect to A (i.e., AS®4). Thus minimizing the
GSP by the proper choice of resistors and capacitor values (spreads) to reduce the
active sensitivity will lead to minimization of active noise of an active RC filter, an
interesting result. It is useful to note that since the passive noise is also dependent on

Re (ﬁ), optimization of the GSP alone may not reduce passive noise.

The total noise of the filter is the sum of active and passive noise. Bachler and
Guggenbuhl [2.67, 2.68] have shown that the total noise using the spread of
components as a degree of freedom can be computed and optimized. This is similar
to sensitivity optimization which has passive and active components. The reader is
referred to their work for more information.

The application of minimization of the GSP to reduce noise has been extended to
the minimization of distortion as well by Borys [2.73]. This aspect is considered
next after studying distortion in active RC filters.

We consider SPICE-based estimation of noise of active RC filters in the next two
examples.

Example 2.12 The noise voltage source will have thermal noise as well as 1/fnoise
components. These can be modeled using resistor and diode noise biased in the
knee region. The amount of 1/fnoise can be controlled by the value KF in the diode
model. The biasing voltage can be defined, for example, as V; (=V,) = 0.1 Vand a
resistor R;o (and R3;) is used in series with the diode D; (and D) to generate wide-
band noise. Two such independent circuits are used and the floating voltage
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between these (nodes 59 and 61) is taken to remove the dc component. The noise
statement has an ac reference point which in this case is one zero voltage source v;
connected in series. The total noise as well as its various constituents such as diode
resistance noise, 1/fnoise, resistor noise, and the like, can be found by the command
print all. The noise spectrum can be seen by the command plot ylog
onoise_spectrum. Note also that input referred noise also can be obtained.

*opamp voltage noise generation
V358 0ac0

V1 58 65 dc 0.1

V26000.1

D1 65 59 DIODE

R3059 0 726.4

D2 60 61 DIODE
R31610726.4

E11059611

.MODEL DIODE D(AF=1.0,1S=0.001F,KF=1.667E-9)
.noise v(1) v3 dec 10 0.5 1000 1

*Opamp voltage noise generation
V3580ac0

V1 58 65 dc 0.1

V2600 0.1

D1 65 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0726.4

E11059611

.MODEL DIODE D(AF=1.0,1S=0.001F,KF=1.667E-9)
.noise v(1) v3 dec 10 0.5 1000 1

v — onoise_spectrum

10"-15

10"-16

0.00 0.20 0.40 0.60 0.80 1.00
frequency kHz
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Circuit: *Opamp voltage noise generation
TEMP=27 deg C

Noise analysis ... 100%

WinSpice 3 -> print all

inoise_total = 2.534923e+06
inoise_total_d1 = 6.683765e+04
inoise_total_d1_loverf = 6.683765e+04
inoise_total_d1_id = 1.685981e-03
inoise_total_d1_rs = 0.000000e+00
inoise_total _d2 = 6.686825e+04
inoise_total_d2_loverf = 6.686825e+04
inoise_total_d2_id = 1.686753e-03
inoise_total_d2_rs = 0.000000e+00
inoise_total_r30 = 1.200609e+06
inoise_total_r31 = 1.200609e+06
onoise_total = 2.534923e-14
onoise_total_dl = 6.683765e-16
onoise_total_d1_loverf = 6.683765¢e-16
onoise_total_d1_id = 1.685981e-23
onoise_total_d1_rs = 0.000000e+00
onoise_total_d2 = 6.686825e-16
onoise_total_d2_loverf = 6.686825¢e-16
onoise_total_d2_id = 1.686753e-23
onoise_total_d2_rs = 0.000000e+00
onoise_total_r30 = 1.200609e-14
onoise_total_r31 = 1.200609e-14

2 Active RC Filters Using Opamps

Example 2.13 The analysis of a multiple feedback band-pass filter using the
opamp noise model obtained earlier is considered next. An offset compensating

resistor R5 is also used.

The complete noise model is in the subcircuit noisyopamp. Note that the opamp
input terminals have noisy current sources which do not have a 1/f component and
hence simple resistors can be used. The resistors R3, and R33 need to be in a closed
circuit and hence zero voltage sources V17 and V18 are connected across them. The
current sources are implemented by the statements FN1 in. 0 V18 1 and FN2 ninp
0 V17 1, respectively. As before the total output referred noise, input referred noise,
and noise spectrum can be found as shown. The band-pass filtering of the noise

spectrum is evident.

*Example MFB noise analysis
R112625

R243 100K

C1 23 1590 pf

C224 1590 pf

R3 710625
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Xopampl 4 71 3 noisyopamp
.subckt noisyopamp 70 ninp out

V1580dc0.1
V2600 dc 0.1

D1 58 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0726.4
E170in. 59611
V176200
V186300
R3262073.6
R3363073.6
FN1in. 0 V181

FN2 ninp 0 V17 1
E2 15 0 ninp inp 100,000

R415161k
C3160 159 uf
E30ut01601

.ends noisyopamp

vin1 0acO

.noise v(3) vin dec 10 0.5 300,000 1
.MODEL DIODE D(AF=1.0,I1S=0.001F, KF=1.667E-9)

10"-9

10°-10

107-11

10°-12 |-

10°-13

10°-14

10°-18

10716

0.

— onoise_spectrum

I..I """"""""""""""""""" E---‘-----------------E

ol ' i

I i H ]

I ' : :

mugfrqreersneanesnen R — ferensaransnonssansnad ;

_______ ; 'x._.__._._.._L__._._.._.__._._.._.E._._._.._.__._._.._.,:
1] 100.0 200.0 300.0

frequency kHz

Circuit: *example MFB noise analysis

TEMP=27 deg C

Noise analysis ... 100%
WinSpice 4 -> print all

121
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inoise_total = 2.408588e+14
inoise_total_d:xopampl:d1l = 2.305272e+08
inoise_total_d:xopampl:d1_loverf = 2.305261e+08
inoise_total_d:xopampl:d1_id = 1.118864e+03
inoise_total_d:xopampl:d1_rs = 0.000000e+00
inoise_total_d:xopampl:d2 = 2.305272e+08
inoise_total_d:xopampl:d2_1loverf = 2.305261e+08
inoise_total_d:xopampl:d2_id = 1.118864e+03
inoise_total_d:xopamp1:d2_rs = 0.000000e+00
inoise_total r1 = 6.830456e+10

inoise_total 12 = 1.758265e+11

inoise_total_r3 = 6.852223e+10
inoise_total_r:xopampl:r4 = 1.096356e+02
inoise_total_r:xopamp1:r30 = 7.963928e+11
inoise_total_r:xopampl:r31 = 7.963928e+11
inoise_total_r:xopampl:r32 = 5.818804e+10
inoise_total_r:xopampl:r33 = 2.388947e+14
onoise_total = 2.408588e-06
onoise_total_d:xopampl:dl = 2.305272e-12
onoise_total_d:xopampl:d1_loverf = 2.305261e-12
onoise_total_d:xopampl:d1_id = 1.118864e-17
onoise_total_d:xopampl:d1_rs = 0.000000e+00
onoise_total_d:xopamp1:d2 = 2.305272e-12
onoise_total_d:xopamp1:d2_loverf = 2.305261e-12
onoise_total_d:xopamp1:d2_id = 1.118864e-17
onoise_total_d:xopamp1:d2_rs = 0.000000e+00
onoise_total_rl = 6.830456e-10

onoise_total_r2 = 1.758265e-09

onoise_total_r3 = 6.852223e-10
onoise_total_r:xopampl:r4 = 1.096356e-18
onoise_total_r:xopamp1:r30 = 7.963928e-09
onoise_total_r:xopamp1:r31 = 7.963928e-09
onoise_total_r:xopamp1:r32 = 5.818804e-10
onoise_total_r:xopamp1:r33 = 2.388947e-06

2.12 Distortion in Active RC Filters

The large signal handling capability of active filters implies the use of components
that collectively exhibit a linear behavior, even though the active components may
be intrinsically nonlinear, such as bipolar transistors or MOS transistors. In a
differential amplifier, the basic element in the opamp, the nonlinearity arises for
two reasons: nonlinear V—I conversion of the input differential pair and the voltage
dependence of the output impedance of the cascade devices.
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If an opamp is overdriven by a large input signal, the output slews at some
limiting rate determined by internal currents and capacitances. If an applied sinu-
soidal input signal causes the output to have the maximum slope greater than the
slew rate of the opamp, the output will no longer be sinusoidal and will suffer
distortion. There can be slew-induced distortion (SID) of amplitude in the open-
loop mode of the amplifier operation but phase distortion may not exist. On the
other hand, in the closed-loop mode, both will exist. Under typical operating
conditions, the SID causes phase shift (phase lag) and an attenuation of the
fundamental component of the input signal at the output. In active RC filters, the
OA slew rate can cause distortion by creating harmonics and intermodulation
products. Such degradation can lead to instability and this phenomenon is called
“jump resonance.” In such a situation, the filter will exhibit two modes of operation
and will regeneratively switch back and forth between these two modes of
operation.

The distortion increases with increasing input signal level between the input
terminals of the opamp. The opamp input voltage, although small, will not be
negligible as has been seen earlier due to the finite gain and bandwidth of the
opamp. When this voltage reaches a certain threshold, nonlinearity increases.
Hence, it is important to reduce the differential input voltage of the opamp to a
small value. The distortion of the opamp can be considered to be at the output of the
opamp (output referred distortion) or at the input of the opamp (input referred
distortion). Thus the transfer function of distortion source to the opamp output in
the latter case is same as that of noise as seen in Fig. 2.42b. Thus minimizing the
GSP minimizes distortion and noise as well as sensitivity.

The effect of the output referred distortion can be evaluated by a figure of merit,
the distortion aggravation factor (DAG) introduced by Billam [2.69]. Evidently,
the transfer functions due to input referred distortion or output referred distortion
are related by the frequency-dependent finite gain of the opamp.

Consider the Sallen and Key active RC filter schematic of Fig. 2.43 wherein the
distortion is denoted by U,,. We evaluate DAG for this circuit as

5 R; Ry +s(Cy R R;+R 1
paG=Vo - SO QR RAS(C R TR HRy)) T (2.150)
U, s°Ci Cy Ry R2+S(C1 Rl(l—K)+C2 (Rl-‘rRz))-i-l
Thus, DAG will be maximum at the pole-frequency w,, given by
Ci R +C(R{+R
DAGyx = L Ri+ G (R +Ry) (2.151)

Ci Ry (1 —K) + Cy (Rl -I—Rz)

Evidently, DAG is 30, at the resonant frequency and is maximum at this

frequency for the choice Ry =R, =R and C; =C, =C and K =3 — QL . On
:

the other hand, by choosing unequal resistor and capacitor values, DAG can be
reduced. Defining GSP = K S,Q( , we have from the denominator of (2.150),
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a v, — Vo

in

Fig. 2.43 (a) Sallen—Key active RC filter modeling input referred distortion, (b) plots of input
signal versus frequency for the Sallen—Key active RC filter with O as a parameter (pole-frequency
10 KHz R = R, and C; = C, using 741 opamp). ((b) Adapted from [2.71] ©IEEE 1978)

K*C, R,
GSP = 2.152
CiRi(1-K)+C2(Ri+Ry) ( )
Thus, DAG and GSP are related as
Ci Ri+Cy (R +R)
DAG = GSP 2.153
MAX < K2C, R, ( )

As an illustration, for Ry = R, = R, C; = C, = C, we have GSP = 90, and
DAG = 30, This can also be observed by noting that the GSP is the same as the
noise transfer function. If distortion is also input referred, it is the same as the GSP.
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It can be seen that Billam’s technique [2.69] does not consider the nonidealities
of the opamp. Allen [2.70, 2.71] has suggested taking the bandwidth of the amplifier
into account, since due to the finite gain and bandwidth of the opamp, the differen-
tial input voltage at the opamp input terminals is finite and if it exceeds a particular
threshold value 0, distortion sets in. As such, for a given input M,, Allen suggests
evaluating the resulting 6 expressed as M,/0 which reaches a minimum at a
particular frequency. That minimum is less than J. Note that the differential input
voltage of the opamp is V,s/B. We consider the Sallen—Key filter of Fig. 2.43a once
again and evaluate the magnitude of M,/ as

2 2
M, B B, Q 1)°
Me— 11— " 3w, 2|, —— 2.154
5 ( w"+3Q,,—1> +<w+3Qp_1 (w wn> ( )

where w, =2 and B, = wi

Typical curves for different pole-Qs are as shown in Fig. 2.43b for an example
considering f,, = 50 KHz. Thus for a pole-Q of 10, the input voltage must be less
than 140 mV assuming 6 = 100 mV for a typical bipolar opamp pA741 so that SID
cannot set in. In a similar manner, the SID for other single-amplifier biquads can be
carried out. Beyond this threshold value, the active filters will exhibit jump reso-
nance. The reader is referred to Borys [2.72, 2.73, 2.74] for an explanation of the

relationship between various distortion measures.

Example 2.14 Determine the level at which SID may set in for the single amplifier
band-pass filter tunable using a resistor (see Fig. E.2.5b) using SPICE.

The input voltage maximum at the opamp inverting input can be found from the
frequency responses plotted in Fig. 2.43b. If it exceeds a certain level, slew-induced
distortion sets in.

*SA Bandpass distortion Allen’s method
vinlOaclv

R11 1 12 15900

R12 12 0200

C11 12 13 1000 pf
C12 12 14 1000pf
R16 13 14 31800
E110 15 13 0 100000
R14 15161k
C1316 0 15.9 uf
E121401601

.control
destroy all
letii=0
while ii < 5
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alter R12 = 200 + 100 * ii
ac lin 100 20k 60 k
letii =ii + 1

plot mag(acl.v(13)) mag(ac2.v(13)) mag(ac3.v(13)) mag(ac4.v(13)) mag(acS.v

(13))
end
.endc
nV nag({ac2.v(13)) —mag(acl.v(13))
mag{acd.v(13)) —mag(ac3.v(13))
emeenaalaglacs . v(13)) L,

L o

f requency kHz

2.13 Problems

P.2.1. A first-order all-pass filter can be obtained by using the circuit of Fig. P.2.1.
Analyze the circuit and compare it with the first-order all-pass filters using
the opamp of Fig. 2.8a, b. Show that the circuit of Fig. P.2.1b realizes a
second-order all-pass transfer function. Discuss the limitations of the
circuit.

P.2.2. A bridged-T RC network is shown in Fig. P.2.2a. Derive the transfer
function of this circuit and discuss its utility as a notch filter. The circuit

Fig. P.2.1 (a) (b)
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Fig. P.2.2

Fig. P.2.3

P.2.3.

P.24.

P.2.5.

can be modified to realize a notch or all-pass transfer function using the
configuration of Fig. P.2.2b. Analyze the circuit and determine the conditions
for realizing notch and all-pass transfer functions. Discuss the limitations of
this circuit. Positive feedback can be given to enhance the pole-Q using the
modification as shown in Fig. P.2.2¢c. Derive the transfer function and estab-
lish the relationship between the pole-Q and the amount of positive feedback.
Suggest a circuit for realizing mV; + ¢V,.

A parallel-T RC network is illustrated in Fig. P.2.3. Derive the transfer
function of the circuit. This is a third-order network. Find the condition for
pole-zero cancellation so that a second-order notch transfer function can be
realized.

Hilberman [2.75] has shown that input and ground can be complements in
an active RC filter. Using this concept, show that an all-pass filter can be
easily obtained from the Tow—Thomas biquad. Compare the circuit with
the all-pass filter realized using the feedforward technique in a
Tow-Thomas biquad (Fig. P.2.4).

Second-order active RC filters can be built around the GIC. Two such
circuits, Fig. P.2.5a due to Mikhael and Bhattacharya [2.76] and Fig. P.2.5b
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Fig. P.2.4 (Adapted from [2.75] ©IEEE 1973)

a
b
Va
R,
R3 RK
V.

1

Fig. P.2.5 (Adapted from [2.14] ©IEEE 1984)

Padukone, Mulawka, and Ghausi [2.77] are shown below. Derive the
transfer functions of both these circuits together with design equations
and analyze the sensitivity of these filters due to opamp finite bandwidth.
P.2.6. A biquad due to Wilson, Bedri, and Bowron [2.78] based on two first-order
all-pass filters is presented in Fig. P.2.6. Derive the transfer function of the
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G 1 :|: C”1

Fig. P.2.6 (Adapted from [2.14] ©IEEE 1984)

C, G, Voltage
T I amplifier

Loyt (O G, Current
T I amplifier

Fig. P.2.10 (a) (b)

P.2.7.

P.2.8.

P.2.9.

P.2.10.

circuit together with the design equations and analyze the effect of opamp
finite bandwidth on performance.

Analyze the effect of finite opamp bandwidth on the pole-frequency and
pole-Q of the active RC filter of Fig. 2.11b. Discuss the condition for
instability.

Analyze the active R filters of Fig. 2.27 considering a two-pole model of the
opamp. Discuss the stability of these circuits.

Derive the expressions for peak magnitude of the general second-order
transfer function given in Appendix B.

A current-input current-output circuit can be obtained from the voltage-
input voltage-output type active RC filter using voltage amplifiers (see,
e.g., Fig. P.2.10a) by using the adjoint technique. In this technique, the
output voltage terminal is fed the input current, the input voltage terminal is
grounded, and the output current is tapped at this terminal as shown in
Fig. P.2.10b. Discuss in which other cases the technique is applicable.
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Fig. P.2.12 (Adapted from
[2.79] ©IEEE 1973)

Fig. P.2.13

P2.11.

P.2.12.

P.2.13.

P.2.14.

P.2.15.

2 Active RC Filters Using Opamps

R,=mR/B >_Vo
L C,=C

dhom - YN
RZ:mR/(l-B)§ I Cy=(1-p)C/m

Derive expressions for the output noise of Tow-Thomas biquad of
Fig. 2.18a. Assume that all opamps are identical.

An all-pass network can be realized using the circuit [2.79] of Fig. P.2.12.
Derive the design equations and compare with the Steffen all-pass circuit of
Fig. 2.13. Choose m for obtaining the minimum GSP. Examine the effect of
the opamp finite bandwidth.

A high-order active RC filter due to Bach [2.80] using only unity gain
buffers is shown in Fig. P.2.13. Derive the transfer function of this circuit
and analyze the effect of finite bandwidth of the opamp. Suggest a design
procedure. Derive a high-pass filter from this circuit and the design
equations.

Denoting the pole of a second-order filter as p, with a denominator of the
transfer function given as s> —|—sg—z+ @, , show that 4Ap/p in terms of

dp _dop . dQ/Q

P Op J \/40; -1
wp

[2.81]. This means that it is important to reduce d” which is 20, times

dQ, dr(s)| _ 49, | . do diT(s)]
more than Q,f . Show also that ol = 0, +720, w,,p and also that 0]

=20, ‘;—p at the frequencyw = w, .

variations in pole-Q and pole-frequency is given by

Considering single-pole and two-pole models for the opamps, evaluate the
bandwidth of both the amplifiers [2.82] of Fig. P.2.15a, b. Discuss the
stability and improvement in bandwidth.
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Fig. P.2.15 (a) (b) (Adapted a
from [2.82] ©IEEE 1977)

P.2.16.

P.2.17.

P.2.18.

P.2.19.

P.2.20.

P.2.21.

P.2.22.

P.2.23.

P.2.24.

b—.ve

—t iy

T

TR CIRCUIT & Ry R, Ke-1)

Analyze the performance of integrators using the compensated amplifiers
of Fig. P.2.16a—e using two and three opamps [2.83].

Analyze the finite gain amplifiers shown [2.84] in Fig. P.2.17a, b and derive
conditions to obtain the flat gain response.

Derive the expression for input impedance of the single-amplifier circuit
[2.85, 2.87] of Fig. P.2.18. Analyze the nature of the input impedance.
Considering the nonideal frequency response of the opamp, derive the input
impedance and compare it with the results using an ideal opamp.

Repeat the problem for the circuit [2.86, 2.87] of Fig. P.2.19. Compare the
results with those of Fig. P.2.18.

Derive the input impedance of the circuit [2.88] of Fig. P.2.20. Derive
conditions under which a grounded FDNR in series with a capacitor can be
realized.

Derive the transfer function of the active distributed network [2.89] of
Fig. P.2.21a derived from Sallen—Key and multiple feedback type active
RC filters. Using SPICE, simulate the frequency response and discuss the
design procedure to realize a given specification. Note that a uniform
distributed RC network can be modeled as a © network with irrational
impedances as shown in Fig. P.2.21b.

Note that ¥ = e and a shunt admittance of (P — 1)Y where P

sinh \/ src d’
= cosh Vsre d®.
Analyze the positive impedance converter or active transformer [2.90] of
Fig. P.2.22 and derive an expression for input impedance when the load
impedance is Z .
Show that the circuit of Fig. P.2.25 realizes a floating inductance [2.90].
Discuss the behavior with nonideal opamps.
Derive the transfer function of the circuit [2.90] of Fig. P.2.24 and discuss
its possible application.
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4]
o

i

Fig. P.2.16 (Adapted from [2.83] ©IEEE 1987)

P.2.25. Derive the transfer functions of the 2 two-amplifier based filters [2.91] of

Fig. P.2.26 and analyze their sensitivity to passive components and gains k1
and k2.



2.13  Problems

2 —— v i
.
L
-

Fig. P.2.18 (Adapted from [2.87] ©IEEE 1970)
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Fig. P.2.19 (Adapted from
[2.87] ©IEEE 1970)
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Z(n)—

Fig. P.2.20 (Adapted from Re
[2.88] ©IEEE 1974) A -
2 - ‘
I (3] ci "l R2 3
% I
Y=
— %ln R3 c3
0
P.2.26. Derive the transfer function of the second-order filter [2.92] of Fig. P.2.26

pP.2.27.

P.2.28.

P.2.29.

P.2.30.

P.2.31.

using first-order all-pass networks. Compare with Tarmy—Ghausi modified
by the Moschytz realization (Fig. 2.25a).

Analyze the two-amplifier-based active RC filters [2.93] of Fig. P.2.27a, b.
Derive expressions for pole-frequency and pole-Q sensitivities.

Derive the transfer functions corresponding to both outputs of the active R
filter of Fig. P.2.28 [2.94]. Derive conditions for realizing low-pass, band-
pass, high-pass, notch, and all-pass transfer functions.

Derive the transfer functions of the transadmittance filters [2.95] of
Fig. P.2.29a, b. Convert them into voltage-mode filters and discuss their
utility.

A current conveyor is presented in Fig. P.2.30. This has the property that
Vi = Vy, I, = I, and I, = 0. The input y is buffered and is available at the
x terminal with a series resistance of Rx. The input current is mirrored and
is available at the output terminal. The output terminal has finite output
resistance and output capacitance to ground. Derive (a) an integrator, (b) a
voltage amplifier, and (c) a current amplifier and obtain their transfer
functions. Determine the bandwidth in cases (b) and (c) (Fig. P.2.30).

A second-order filter using a current conveyor CCII is shown in Fig. P.2.31.
Derive its transfer function and sensitivity of pole-Q and pole-frequency to
finite voltage transfer gain between the y and x terminals, finite current gain
between the x and z terminals, and finite Rx and finite Ro and Co at the z
terminal.
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Fig. P.2.22 (Adapted from [2.90] ©IEEE 1971)
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Fig. P.2.24 (Adapted from [2.90] ©IEEE 1971)
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Fig. P.2.25 (Adapted from [2.91] ©IEEE 1971)
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Fig. P.2.27 (a) (b) (Adapted from [2.93] ©IEEE 1978)

P.2.32. Derive the current-output—current-input transfer function of the circuit
[2.96] of Fig. P.2.32. Analyze the effect of nonidealities of CCII.

P.2.33. Construct a state variable voltage mode and current mode biquad based on
the Tow—Thomas biquad using a second-generation current conveyor.
Derive the transfer functions and analyze the effect of nonidealities.
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Fig. P.2.28 (Adapted from
[2.94] ©IEEE 1977) ] Rig fu ]4 R‘ Rs

ST

"f

!
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Fig. P.2.29 (Adapted from
[2.95] ©IEEE 1997)
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Fig. P.2.32 (Adapted from
[2.96] ©IEEE 1990)

Fig. P.2.35 (Adapted from
[2.97] ©IEEE 1987)

Fig. P.2.36

Fig. P.2.38 (Adapted from
[2.98] ©IEEE 1996)

139
R,
R;
X
n z— 1,
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Z Zs

Z,

P.2.34. Derive a CCII-based biquad exactly identical to a KHN active RC biquad.
(It should realize high-pass, low-pass, band-pass, and notch transfer

functions.)
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Fig. P.2.39 (Adapted from l T
[2.99] ©IEEE 1999) X z
IO
y w R,
R,

Fig. P.2.40 (Adapted from
[2.100] ©IEE 1998)

P.2.35.

P.2.36.

P.2.37.

P.2.38.

P.2.39.

Analyze the circuit of Fig. P.2.35 [2.97] and derive the condition for
oscillations. This uses a first-generation current conveyor denoted as CCI
which can be considered as a CCII with another current output that feeds
back to the y terminal; that is, V, = V,, I, = I;, and I, = —L,.

A current conveyor CCII can be augmented with a buffer connected to the z
terminal y to provide a voltage output at the w terminal. This device is
known as CFOA. Derive the transfer function of a finite gain-inverting
amplifier using CFOA and evaluate its performance as compared with an
opamp-based finite gain-inverting amplifier. Also consider the current
mirror pole (between the x and z terminals) in your evaluation (Fig. P.2.36).
Discuss the stability of an integrator using CFOA considering the current
mirror pole and other parasitics R, R,;, and C,. Note that x, y, and w corre-
spond to inverting input, noninverting input, and output of the CFOA,
respectively.

Derive the expressions for frequency of oscillation and condition for
oscillation for the CFOA-based oscillator [2.98] of Fig. P.2.38 by choosing
proper impedances for various Z;s.

A FTFEN (four-terminal floating nullor) [2.103] is a useful active element.
It is described as V, = V|, I, = I, = 0, and I,, = —I.. An oscillator using
FTEN [2.99] is shown in Fig. P.2.39. Derive expressions for the frequency
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Fig. P.2.41 (Adapted from
[2.101] ©IEE 1990)

Fig. P.2.42 (Adapted from R,
[2.102] ©IEEE 1980) AN
Ry
WA\
R, Vo
C
Ca !
| |
[l
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- Cua
Ry
Ry

of oscillation and condition for oscillation. Analyze the circuit with resistor
R, connected between the y and z terminals of the FTFN.

P.2.40. Derive the expression for the input impedance of the floating impedance
simulator [2.100] of Fig. P.2.40 considering the nonidealities of the current
conveyors.

P.2.41. A multifunction biquad using current conveyors due to Singh and Senani
[2.101] is presented in Fig. P.2.41. Derive all the transfer functions.
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P.2.42. The adjoint concept can be used to derive current mode circuits using
current amplifiers. Derive a current-mode biquad from the active RC filter
of Fig. P.2.42 due to Sedra, Ghorab, and Martin [2.102] and the Friend—De-
liyannis biquad of Fig. 2.11a.
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Chapter 3
OTA-C Filters

In this chapter we consider the design of active filters using operational transcon-
ductance amplifiers (OTAs). The symbol of the OTA is presented in Fig. 3.1a. The
output current of the OTA can be expressed as

I, =Gy (Vl - VZ) @(3.1)

Note that several current outputs may exist, which have the same relationship as
that shown in (3.1), but possibly with sign inversion as well, as shown in Fig. 3.1b.
The OTA, in practice, has finite frequency-dependent G,,, which is modeled by a
single-pole model or a pole-zero or two-pole model [3.1]:

1 (1+)
Gm:Gmo—‘aGm:Gmo%v
(1+3) (1) 62
1

(r+a) (1+a)

where w1, wpy,and w;; are the first and second poles and zero, respectively, and
G0 18 the dc transconductance. The OTA also has finite output resistance and
capacitance at each output terminal, and input resistance and capacitance at each
input terminal as shown in Fig. 3.1c, which needs to be taken into account in the
design of filters using OTAs.

It is useful to distinguish between an OTA and a transconductance (G,,).
An OTA is basically an operational amplifier (opamp) without a low-impedance
output stage (so that it can drive only a small capacitive load as is needed in
switched capacitor or OTA-capacitor [OTA-C] filters). It operates with virtually a
short at its input (i.e., with minute input signals) and its transconductance value is
irrelevant as long as its voltage gain is high. It thus can be treated as a voltage-mode
device. On the other hand, a transconductor is a voltage-controlled current source

G =Gy
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a b
\f + Vi Kl I
|g———— ol
I, — I
> 1
VZ — V2 —/ 03
G Gml

Fig. 3.1 (a) Symbol of single current output OTA, (b) symbol of multiple current output OTA,
and (c) nonideal OTA model showing finite input and output impedances

and can handle linearly large input signals and deliver an output current. However,
in the literature, the term OTA-C filter is used extensively where the authors
actually mean G,,-C filter [3.2].

In practice, balanced output devices are used so that fully differential circuits can
be built.

3.1 OTA-C Integrators

The basic building block in a G,,—C filter is an integrator shown in Fig. 3.2a. The
transfer function of this integrator is given by

Vo Gn
L 33
Vi—V,  sC G-3)
The pole-frequency or unity-gain frequency of the integrator is
Gi’ll
Wy =& (3.3b)

An integrator with differential input and differential output is shown in Fig. 3.2b.
The output current of this integrator is I, = 2V; G,, , which flows through the
2V: G,

sC
On the other hand, the circuit of Fig. 3.2c, which needs four times the capacitance
of the circuit of Fig. 3.2b, realizes the same transfer function. In addition, the circuit

integrating capacitor C. Thus, the differential output voltage developed is
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a b
Vl T JrVl B +IQ v
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° |
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l N | 12C
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OTA or opamp

Fig. 3.2 (a) Single-ended OTA-C integrator, (b—d) fully differential integrators, (e) G,—Opamp
integrator (b-e Adapted from [3.2] © 1994 IEEE)

of Fig. 3.2¢ is not affected by the bottom-plate parasitics of the capacitor 2C,
whereas the circuit of Fig. 3.2b is sensitive to bottom-plate parasitics. This sensi-
tivity can be reduced by careful balancing of the parasitics by using two capacitors
in place of a single capacitor, as shown in Fig. 3.2d, whereby the bottom-plate
parasitics are shown in broken lines.

The parasitic output capacitance of the transconductor can be forced to near zero
ground potential by augmenting with an OTA-based integrator as shown in
Fig. 3.2e. The advantage is that the transconductor is easier to design since its
output swing is very small. Moreover, the transconductor need not have a very high
output resistance since the output terminal is at a virtual ground. The integrator dc
gain is product of dc gains of the OTA and transconductor, which is easier to be
made large and easier to push the dominant pole frequency to low enough values,
avoiding the phase lead it would otherwise produce. It may be noted, however, that
the need of both transconductor and OTA in the G,-OTA-C integrator can mean
significant power dissipation, despite that the power dissipation of the individual
elements can be low due to relaxed performance requirements.
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3.2 First-Order OTA-C Filters

3.2.1 First-Order OTA-C Filters Using OTAs
with Single-Current Output

As in the case of opamps, several structures are possible that can realize resistances,
amplifiers, lossless and lossy integrators, differentiators, and first-order all-pass
filters [3.3]. These are considered next.

The circuit of Fig. 3.3a realizes a grounded resistance of value 1/G,,;, whereas
the circuit of Fig. 3.3b realizes a floating resistance of value 1/G,, when G,,; =
G,» = G, thus necessitating matching transconductances. Note that in the case
when V, is a source, the OTA g,,» can be removed.

The circuit of Fig. 3.4a realizes an amplifier with gain G,,;/G,,,. Note that the
feedback-connected OTA 2 realizes a resistance of value 1/G,, as explained
before. Note that the difference of two inputs can be amplified very easily. The
circuit of a lossy integrator is presented in Fig. 3.4b. The derivation is quite simple:
In Fig. 3.4b, the input difference voltage (V; — V) is converted into a current
G,,(Vi — V,) that flows through the capacitor C shunted by a resistor realized using
OTA G,,;,, realizing the transfer function

Gml (Vl - VZ)
=— 34
sC + sz ( )

Note, however, that a differentiator can not be realized easily using an OTA,
whereas a lossy differentiator can be realized using the circuit of Fig. 3.4c. This
circuit has the transfer function given by

<

0 sC

Lo 0= 3.5
Vi sCH G (3-5)

A lossless differentiator [3.4] can be obtained by using an integrator in
a feedback system as shown in Fig. 3.4d. This circuit evidently needs more

a b
_ + Gm2
A
Iin
Va Vi

Fig. 3.3 OTA-based Gui
realization of grounded G -
resistor (a) and floating
resistor (b) I_
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c d
o v O
C > —
v, v
(3]
Gml Gml
=T
e C
| |
1T
V, —
— V,
Gml
Gm2

Fig. 3.4 (a) OTA-based differential amplifier, (b) lossy integrator, (c) first-order high-pass filter,
(d) lossless differentiator based on integrator, and (e) filter for realizing finite zeroes ((c) Adapted
from [3.3] ©IEEE, (e) Adapted from [3.3] ©IEEE)

OTAs. In this circuit, G,,, and C form a noninverting integrator and G,,;, G,3
realize the equation:

G Gy
ViGui +V, 2 s =0 (363)
sC
so that
V, G sC
=M 3.6b
Vi Gm2 Gm3 ( )

The circuit of Fig. 3.4e realizes finite zeroes [3.3] and has the transfer function
given by

Vo sC + Gml
o= 3.7
V,‘ sC + sz ( )
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Note, however, that it needs a floating capacitor and V; needs to be a source with
low output impedance.

A first-order all-pass filter can be obtained from Fig. 3.4e by interchanging the
input terminals of the OTA G,,;:

& _ sC — Gml (3 8)
V,‘ sC + sz )

Matching of OTA transconductances G,,; and G,,, will evidently be needed.

3.2.2 First-Order Filters Using OTAs with Current Input
and Current Output

Recently, there has been interest in using OTAs to realize current-mode filters.
In these the inputs and outputs are currents. The advantage is that the power supply
voltage can be reduced and the desired dynamic range can be obtained in the current
outputs. It is very easy to mirror the current outputs of either polarity in multiple
output OTAs. For example, the circuit of Fig. 3.4b can use an OTA with two outputs
so that a current transfer function can be obtained (as shown by dotted lines),
whereas the input is a voltage. On the other hand, by deleting the OTA G,,; and
feeding an input current as shown in Fig. 3.5a, a current-input current-output lossy
integrator can be obtained. A lossy integrator can be obtained using the circuit of
Fig. 3.5b.

A general current-input current-output circuit described by Sun and Fidler [3.5]
is shown in Fig. 3.5c. This circuit can realize /,; as a first-order low-pass and /,,; as a
first-order low-pass or high-pass transfer function:

Gml (linl _[in2 %) G G, [; I C
101 _ 'm3 ’102 _ mZ( ml Linl +1in2 S ) (39)

G G G Gy
sC + o Gm (SC + _(1}m3 2

Note that R; is implemented using an OTA G,,; connected as a resistor. Note
also that an all-pass transfer function can be realized under the conditions /;,; =
—I;,» and G, = G,,3. This circuit uses three OTAs and two extra current outputs
and needs matching OTAs and matching input currents.

We consider next another circuit proposed by Wu and El-Masry [3.6], shown in
Fig. 3.5d, for which the transfer function can be derived as

iz G+ I (82)sC

I,
SC+ Gml

(3.10)



g h
S

Fig. 3.5 Current-mode circuits using OTAs: (a) lossless integrator, (b) lossy integrator, (c) first-
order filter due to Sun and Fidler (Adapted from [3.5] ©IEEE), (d) first-order filter due to Wu
and El-Masry (Adapted from [3.6] ©IEEE), (e, f) all-pass filters due to Kamath, Ananda Mohan, and
Prabhu with two inputs (Adapted from [3.7] © Birkhauser), (g, h) with one input, and (i) Al-Hashimi,
Dudek, and Moniri first-order all-pass filter (Adapted from [3.8] ©IEE)
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Evidently, when [;,, = 0, a high-pass transfer function is realized, and when
I;,1 = 0, a low-pass transfer function is realized. Note, however, that when G,,; is
negative, that is, when the input OTA is connected as a positive resistor, then an all-
pass transfer function is obtained under the condition G,,; = G,,,. Thus, matching
of G,s is needed.

Two alternative first-order all-pass filters [3.7] are presented in Fig. 3.4e, g. For
the circuit of Fig. 3.4e, the transfer function realized is

o [inl GmZ - [in2 sC

I, = . (3.11a)
Gua (1+5)

Note that when /;,,; = 0, an inverting high-pass transfer function is realized, and
when /;,, = 0, a low-pass transfer function is realized. When [;,; = I;,» and G,,;; =
G, a first-order all-pass transfer function is realized. In this case, the circuit can be
simplified as shown in Fig. 3.5f. On the other hand, for the circuit of Fig. 3.5g, we have

Iinl sc_linZ Gm2
Gz (143

8m1

1, = (3.11b)

This circuit also can realize an inverting low-pass transfer function when I;,;
= 0, a noninverting high-pass transfer function when /;,,, = 0, and when I;,; = I;,»
and G,,; = G, a first-order all-pass transfer function is realized. In this case too,
the circuit can be simplified, as shown in Fig. 3.5h.

We next consider another first-order all-pass configuration due to Al-Hashimi,
Dudek, and Moniri [3.8] shown in Fig. 3.51. The circuit realizes a transfer function
given by
1_0 — ﬂ (3.12)
I in Y + GmZ
where Y = sC. Interestingly, the transfer function is independent of G,,,; value since
G .1 1s used as current mirror with two outputs and the all-pass transfer function is
2Gmn

Gpo +sC ’
The multiplier 2 is realized by summing two equal outputs of the OTA G,,,,.

realized as 1 —

3.3 Voltage-Mode Second-Order OTA-C Filters

Sanchez-Sinencio, Geiger, and Nevaraz-Lozano [3.9] have described voltage-mode
OTA-C filters based on a two-integrator loop. The circuit shown in Fig. 3.6a has the
transfer function given by

1

Voo =
27D (s)

(K1 K2 Vi+sKy Va+B, Ky Va+5* Va+sB Vs)  (3.13a)
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Fig. 3.6 OTA-C filters based on two-integrator loop (a)—(c) per Sanchez-Sinencio, Geiger, and
Nevarez-Lozano (Adapted from [3.9] ©IEEE1988)

where

Dy (s) =s"+Kys+K; Ky (3.13b)

and K| =% K, Gm; By == B, =%t

Ev1dently, the circuit has low pole frequency and pole-Q sensitivities. All positive
gain low-pass, bandpass, and high-pass transfer functions can be realized by feeding
only the inputs V; or V3, V5 or V,, and V,, respectively. A notch transfer function can

be obtained using both the inputs V4 and V3 or V; and V5 = V, = 0. Independent
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control of pole-frequency and pole-Q is not feasible since the damping and integration
functions are combined in one integrator using G,,; and capacitor C,.

Another voltage-mode biquad is presented in Fig. 3.6(b). The transfer function
of this eight-input circuit is as follows.

1 Ki K, Vi+sK, Vo+B, Ky V3+S2 By V4a+s B1Vs
Vo = (3.14a)
D, (S) —sKr Ve +5sA) Ky V5 +S2 B; Vg
where
Dy(s)=s*+A Kys+ K| K (3.14b)
and
Gm Gm G() G Gm
K1:—1;K2=—2,730:—b, 1:#, 1 2:73,,
Cq Cr,+C» C, Cr,+(C'y C,+(Cy
2 Cch
B,=——-—— andB3; = ————
2 Cy+C'y andss C,+(C

Due to the presence of a negative s term in the numerator, the circuit can realize
an all-pass filter also. Note that several options for realizing LP-, BP-, and HP-type
transfer functions are available. In this case, A;K, or (OTA G,,3) can be used to
independently control the pole-Q.

We next consider another biquad shown in Fig. 3.6(c) which uses 10 voltage
inputs. The transfer function of this circuit can be derived as

1
Vo — =
P D (s)
+5*> Vo+sKy, Vi+sB, Vs+sA, K Va+B, A, Ko Vs
X
+Ki K>, Vg A, +5A1 K, Vg —sA, Ky V7 —sBy Ky Vg —sK> V
(3.15a)
where
Dy (s)=s>+A; Kys+A, K, K (3.15b)
and
G, G G G G Gn Gn
Kl:—laKzz—szozﬁ)Bl:£732:£7A0:—47A1: 3'
Cl CZ C2 Cl GmS GmS GmS

Note that damping is realized through G,,3. Several choices of inputs are feasible
to realize the various desired transfer functions. All the above circuits used OTAs
with one current output. However, allowing additional current outputs for the
OTAs, the hardware can be reduced considerably.
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Example 3.1 Using PSPICE, simulate the OTA-C filter of Fig. E.3.1. Study the
effect of finite output resistances of the OTAs considering typical output resistance
of OTA is IM Ohms. The effect is that the mid-band gain has increased.

*. OTA C two integrator loop
gml 20 10 628.57umho
gm3 3 0 0 2 628.57umho
gm4 2 0 3 0 628.57umho
gm2 2 0 0 2 62.857umho
C120 10pf

C230 10pf

*R1 20333k

*R2 3 0 1000k

vin 1 0 ac lv

.ac lin 100 9900K 10100k
Rol 2 0 1000K

Ro2 3 0 3000K

v mag(v(3)) —mag(v(2))
10.00 E"""""""'i """" ;:;!r"f'- e E"""""""'E
9, 90 Yl ennnnnnstionas ISR CUPTI Y. DN e s H
1 N o Lo S N IR L iy per o ey (e
O 0 o il o e
9.90 9.95 10.00 10.05 10.10

frequency MHz

v mag(v(2)) — mag(v(3))
e e L e o ek
10,60 nmmmmprmmnmme e eremnanae . W s SRR
R (T M, ——— T B

0030 e S

frequency MHz

With R, of 1 Meg Ohm for each OTA.
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Example 3.2 Using PSPICE, simulate the OTA-C filter of Fig. E.3.2 using the
Tsukutani, Sumi, and Fukui [3.19] CMOS OTA which uses all transistors of
the same dimensions (L = 2 um,W = 4 um) and equal cpacitors of value 10 pf
(see Fig. E.3.2b) (Adapted from [3.19]© Frequenz2006). The bias currents
(100 pA) have been chosen to realize a G, value (155 pS). Note that the OTA

has dual current ouputs.

a
+
LR ~ 1
2 Gm4
+
+
_ ' 3
C]#; _
1Ty L —
Gm3
L
GmZ
b VDD
&
M5 M6 M7 M8 M9 | MI10
e I 39 o4 1
| R i R M= =
M}_Ef Ef_‘MZ
Vinm Vinp
Tom ! Top
- s
Ibias
VSS
5
o M12 M13¢
HH HH
EVSS VSS 6
M15
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*Two integrator loop using Tsukutani, Sumi and Fukui [3.19] CMOS OTAs

Vin 10 ac0.1v

C120 10pf

C2 30 10pf

x1 vdd vss Ibiasl 1 0 2 NC1 doota

Ibiasl Ibiasl vss DC 100u

x2 vdd vss Ibias2 0 2 2 NC2 doota

Ibias2 Ibias2 vss DC 100u

x3 vdd vss Ibias3 0 2 3 NC3 doota

Ibias3 Ibias3 vss DC 100u

x4 vdd vss Ibias4 3 0 2 NC4 doota

Ibias4 Ibias4 vss DC 100u

R1 Nc1 0 100K

R2 NC2 0 100K

R3 NC3 0 100K

R4 NC4 0 100K

vdd vdd 0 DC 2

vss vss 0 DC -2

.AC DEC 1000 100K 10000K

.subckt doota vdd vss Ibias vinp vinm iop iom

PARAM In=2um,wn=4um

.PARAM lp=2um, wp=4um

M1 3 vinm Ibias vss CMOSN w={wn} 1={In}

M2 4 vinp Ibias vss CMOSN w={wn} I={In}

MS iom 3 vdd vdd CMOSP w={wp} 1={lIp}

M6 5 3 vdd vdd CMOSP w={wp} I={lp}

M7 3 3 vdd vdd CMOSP w={wp} I={lp}

M8 4 4 vdd vdd CMOSP w={wp} I={lp}

M9 iop 4 vdd vdd CMOSP w={wp} 1={Ip}

M10 6 4 vdd vdd CMOSP w={wp} 1={lp}

M12 55 vss vss CMOSN w={wn} 1={In}

M13 iop 5 vss vss CMOSN w={wn} 1={In}

M14 iom 6 vss vss CMOSN w={wn} I={In}

M15 6 6 vss vss CMOSN w={wn} 1={In}

.ends DOOTA

.MODEL CMOSN NMOS ( LEVEL = 3 PHI=0.700000 TOX=9.6000E-09

+ XJ=0.200000U TPG=1 VT0=0.6684 DELTA=1.0700E+00 LD=4.2030E-08

+ KP=1.7748E-04 UO=493.4 THETA=1.8120E-01 RSH=1.6680E+01

+ GAMMA=0.5382 NSUB=1.1290E+17 NFS=7.1500E+11 VMAX=2.7900E
+05

+ ETA=1.8690E-02 KAPPA=1.6100E-01 CGDO=4.0920E-10 CGSO= 4.0920E
-10

+ CGBO=3.7765E-10 CJ=5.9000E-04 MJ=0.76700 CISW=2.0000E-11

+ MJSW=0.71000 PB=0.990000)

.MODEL CMOSP PMOS ( LEVEL = 3 PHI=0.700000 TOX=9.6000E-09
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+ XJ=0.200000U TPG=-1 VT0O=-0.9352 DELTA=1.2380E-02 LD=5.2440E-
08

+ KP=4.4927E-05 UO=124.9 THETA=5.7490E-02 RSH=1.1660E+00

+ GAMMA=0.4551 NSUB=8.0710E+16 NFS=5.9080E+11 VMAX=2.2960E
+05

+ ETA=2.1930E-02 KAPPA=9.3660E+00 CGDO=2.1260E-10 CGSO= 2.1260E
-10

+ CGBO=3.6890E-10 CJ=9.3400E-04 MJ=0.48300 CISW=2.5100E-10

+ MJISW=0.21200 PB=0.930000)

.end
ny nag(v(3)) — nag(v(2))
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Chang [3.10] has described a voltage-mode biquad shown in Fig. 3.7a using
three OTAs, one of which has dual current outputs. The transfer functions of this
circuit are:

Vo
(V,I)D(s) = 52 Ci C2Gp1 + Gt G G,

y v (3.16a)
(V‘?)D(s) = G G G, (%)D(s) =5C2Gpy G
where
D(s) = 5% C1 C2Gp +5C2Gpp Gz + Gt Gz G (3.16b)

Note that pole-Q can be controlled by G,,; independently. A floating inductance
can be identified between terminals A and B. The circuit is thus a series resonator
formed by R = 1/G,,,1, L = C/(G,»G,,3), and capacitor C,.
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Fig. 3.7 Voltage-mode OTA-C filters due to Chang (Adapted from [3.10] ©IEEE 1999)

Chang [3.10] has described another voltage-mode OTA-C biquad presented in
Fig. 3.7b. This circuit realizes LP, BP, and HP transfer functions:

(:/C’])D(S) = 82 C1 C2 Gm37
' (3.17a)

V Vv
<V02>D(S) = —SGml Gm3 C2, <V03>D(S) = Gml sz Gm3
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Fig. 3.8 Voltage-mode OTA-C filters due to Horng (Adapted from [3.11]«) Taylor and Francis 2004)

where
D(s) = 5* Ci C2Gp +5C2Gpy Gup+ Gt G G (3.17b)

Note that pole-Q cannot be independently controlled. The HP transfer function is
realized by subtracting from the input the low-pass ouput signal and adding the
inverted band-pass ouput signal.

Another voltage mode biquad due to Chang [3.10] which uses only two OTAs
and needs two input voltages is presented in Fig. 3.7c. This circuit can realize notch,
HP, BP, and LP transfer functions:

. V,‘z Gml Gm2 + Vil SZ Cl C2
o S2 C] C2 +SC2 Gml +Gm1 Gm2

Vol (3.18a)

and

Vo — —VisCy Gm2+Vi2(SC1 G2 +Gm GmZ)
oz §2C1 C24+5C,Gp +Gy G

(3.18b)

A unilateral floating inductance exists between terminals V;; and V,; and a
resistor exists between V,,; and ground.

A voltage mode circuit due to Horng [3.11] is presented in Fig. 3.8. This circuit
has two voltage transfer functions:

52 C1 C2 V3+5C1 (Gt Vi+Gua Va—Gu Va) + Gt G Vi
§2C1 C24+5C1 G + Gyt G

Vor = (3.19a)

52 C1L CaVa+5Gu (CL Va+Ca V3 —Ca Vi) + Gy Gp V2

V p—
02 §2Cy C2+5C1 Gt +Gpi G

(3.19b)

It can be seen from (3.19) that various voltage transfer functions can be obtained
at V,; or V. The circuit is basically a two-integrator loop. Since the damping
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Fig. 3.9 Voltage-mode OTA-C filters due to Horng with single input (Adapted from [3.12]
©Taylor & Francis 2002)

resistor is used as a part of the second integrator, there is no degree of freedom to
control the pole-Q independent of frequency. This may be observed from the
denominator of (3.19), since G,, affects both pole-Q and pole-frequency.

Another voltage mode circuit due to Horng [3.12] is presented in Fig. 3.9. This
circuit realizes the five transfer functions given below:

Voi _ Gmt G2 Gmz Voo 5Cy Gt Gz

Vin B D(S) ’ Vin B D(S) 7
V03 o SZ Cl C2 G’”I g:j V04 o S2 Cl C2 Gml +Gm1 Gm2 Gm3 3.20 )
Vin D(s) Vi D(s)  (320a
V05 . S2 Cl CZ Gml _SCmZ Gm2 Gm3 % + Gml GmZ Gm3
Vie D(s)
where
D(S) = S2 Cl C2 Gml +SC2 GmZ Gm3 +Gml GmZ Gm3 (320b)

Note that this circuit is basically same as Chang’s biquad of Fig. 3.7a except that
the polarity of the output terminals of OTA G,,; and input terminals of OTA G,,;
are changed. The additional OTA G,,s is used to realize the notch transfer function
and a high-pass transfer function is obtained using G,,4 to convert the mirrored
output current of G, to a voltage V3.

Chang [3.13] has described a voltage-mode universal OTA-C filter using
multiple-output OTAs presented in Fig. 3.10. The transfer function of this biquad
is given by
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Tl

Fig.3.10 Voltage-mode universal OTA-C filter due to Chang (Adapted from [3.13]©IEEE 2006)

Vo ma 2 - m m m
_(G )SHPS Cl C2 SBPSC1G2+SLPG 1G2 (321)

Vin Gmp §2C1 C2+5C1 Guo+Gpi G

Note that Syp, S;p, and Spp are switches that when selected appropriately will
realize the numerator coefficients of all generally required second-order transfer
functions. Note that the feedback is through multiple-output OTA G, whereas the
feedforward is through OTA G,. This configuration can be used to realize a high-
order transfer function as shown later. Chang [3.13] has also observed that the
circuit can be designed with fixed capacitors and different G,,s or fixed G,,s and
different capacitors.

Sun [3.14] has described two general OTA-C voltage-mode biquads based on
the Nawrocki and Klein biquad [3.15] shown in Fig. 3.11a, b. Note that in the
original biquad of Nawrocki and Klein [3.15], the input terminals V4, V7, and Vg
in Fig. 3.11a were connected to ground. The modified circuit of Fig. 3.11a [3.14]
uses additional input OTAs whereas the circuit of Fig. 3.11b uses additional
output OTAs and is also fed input current. Both are based on the two-integrator
loop and use grounded capacitors. The transfer functions of the circuit of
Fig. 3.11a are:

D(s) Vo1 = Gmao (G2 C25 + Gz Gup1) Vit — Guat Gmpo Gz Vi
= Gmaz Gmpo C28Viz 4+ Gupo (Gurz C25 + Gz Gupt) Via
= Gubo Vis Gupt Gz — Gbo S Vie Gz C2 '\
4+ Govo Gt Gma Vit +Gupo Gz C25Vig (3.22a)
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Fig. 3.11 Modified OTA-C biquads due to Sun based on the Nawrocki and Klein OTA-C biquad:
(a) with input distribution and (b) with output summation (Adapted from [3.14] ©IEE 1998)
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D(85)Vor =Gao Gpo Gi Vit +Gai G Ci15Vip —Gan (Gpi Ci 5+ G Gyo) Viz
+ Gpo Via Gpo G +Gr1 Gy C1 Vis — G (G Ci s+ G1 Gro) Vis
—Gr G Ci1sVig+Gy(sGpi Ci+Gi Gp,) Vig

(3.22b)
D(5) Vo3 = Gap G1 Ga Vit +Go1 Gy C15Via+Gop Cy Ca 8% Vi3
+Gpo G1 G2 Vig+Gp1 G2 C15Vis+ G Vig C1 Ca 8
— G1 G2 Cl SV,‘7 —G2 Cl C2 S2 V,‘g (3220)
where
D(s) = Gp C1 C2 s> +Gypy G2 Cy 5+ Gy, Gy G (3.22d)

Note that the circuit of Fig. 3.11a can realize LP, BP, and HP transfer functions
directly by appropriate choice of inputs. The output V3 realizes for V;; to Vg
respectively LP, BP, HP, LP, BP, HP, BP, and HP transfer functions. The circuit can
be reduced to a five-OTA circuit by tying certain voltage inputs together. As an
illustration, for V4 =V, = V,, the circuit realizes LP, BP, and BS transfer
functions. Similarly, for the case V;y = —V;5 = V;¢ = V;,, V3 is an all-pass trans-
fer function whereas V,; and V,, are LP and BP transfer functions, respectively.

The circuit of Fig. 3.11b realizes current transfer functions given as

(=VisGuo+Vie G +i53)(Ga2 C1 C2 5% +(Gat Gp1 C1 — Gp Gy C2)s+Ga G G1)
G C1 C252+Gp1 G2 C15+ G, G1 Gy

I,=
(3.23)

Thus arbitrary biquadratic transfer functions can be obtained.

3.4 Current-Mode Second-Order OTA-C Filters

We next consider some current-mode biquads described in the literature. The
current-mode universal biquad due to Al-Hashimi, Dudek, Moniri, and Living
[3.16] is shown in Fig. 3.12a which is also based on a two-integrator-loop. The
pole-frequency and pole-Q can be independently controlled. The realized current
transfer function is given by

IT = : oo (3.24)

52 Gm G Guo
RGm +S(C1 ) + Ci Cy

£ 8148, (202) + (53 + S ) G G




3.4 Current-Mode Second-Order OTA-C Filters 167

c
P —
EEE— IBP
+ INoTcH
f—
G Ly
Iin > —
[ —
Cl:: +
—>
Gy  © I

Fig. 3.12 Current-mode OTA-C biquads (a) due to Al-Hashimi, Dudek, Moniri, and Living
(Adapted from [3.16]J©IEE1998), (b) due to Abuelmaatti and Bentrcia (Adapted from [3.17]
(©IEE 2004), and (c¢) due to Chang, Al-Hashimi, and Ross (Adapted from [3.18]©IET 2004)
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Note that a low-pass transfer function of gain 1 or 2 can be realized by closing
either one or both of the switches S3 and S4. All generally required transfer
functions can be realized by an appropriate choice of switches S, S5, S3, and S4.
Note that R needs to be realized by another OTA simulating a resistor.

Abu elmaa’tti and Bentrcia [3.17] have suggested a current mode biquad
configuration shown in Fig. 3.12b which is also based on a two-integrator loop.
The three current transfer functions realized are as follows.

1 Gm6

lor =5 & 3 (s> C1 C2 Ly = C1 Gz Linz + Gt Gz Lim) (3.252)
1 Gml
IoutZ = _5 Gi (S(CZ Gm3 +Gm2 Gm5)1in1 —S C2 Gm4 IinS +Gm2 Gm4 Iin2
m3
(3.25b)
1
101413 = (Gml Gm2 Iinl _SCI Gm2 Iin2 A~ (Gml sz Gm4 +SC1 Gm2 GmS)Iin3
D Gm3
(3.25¢)
where
D= 8m 8m2 8ma o 8m28m5 L 2, (3.25d)

8m3 8m3

Note that the pole-Q can be controlled independently by G,,s. Note that even
though different current terminals are labeled by different G,,; values, the G, is
same.

Chang, Al-Hashimi, and Ross [3.18] have proposed a current-mode OTA-C filter
shown in Fig. 3.12c. This is also based on the two-integrator loop. It can realize
low-pass, notch, and band-pass transfer functions. A high-pass transfer function can
be obtained by joining NH and LP terminals. An all-pass transfer function can be
obtained by joining BP and NH terminals. The circuit has independent control of
pole-Q and pole-frequency. The transfer functions of this circuit are:

[ [ orch
(E>D(s) = —5C, Gy, X — 2 €, C2+ G, Gy,
Lin Lin

1 1
(#)D(s) = -G, G, (#)D(s) =2 C| C,—sC, G| +G, G, (3.26a)

(IHP>D(S) =5 C Gy

[in
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Fig. 3.13 Current-mode OTA-C biquad due to Tsukutani, Sumi, and Fukui (Adapted from [3.19]
©Frequenz 2006)

—A

I+ +

where
D(s) = s> C, C,+sC, G + G, G (3.26b)

Tsukutani, Sumi, and Fukui [3.19] have described an OTA-C filter based on a
two-integrator loop, which is presented in Fig. 3.13. In this circuit, a current
multiplier has been used in the feedback formed by OTAs G,4 and G,;s.
The transfer functions of this circuit are:

I; m 1 m m
(‘—1>D(s):iGml G S (ﬁ)D(S)::I:GWQGﬂG 5

I, C, Gp I, CyCy Gy’
’ ! (‘;‘ b P (3.272)
03 ml
22 D(s) = + Zml
I (s) s(s + c, >
where
8mi1 Em2 8m3 8ms
D(s) = s* 52l 4 om2 Smd OmS (3.27b)
(s) Ci CiCrgu

Note that although (3.27a) realizes band-pass and low-pass current transfer
functions, the high-pass, all-pass, and notch transfer functions are obtained as (a)
Iyp = 1,1 — 1,3, G5 = Gua, (b) Ipg = 1,1 + [, — 1,3 under the condition G,,5 =
G4 and (¢) Iyp = 1,1 + 1,, — 1,3 under the condition G,,;5 = 2G 4.
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Fig. 3.14 Current-mode OTA-C biquads due to Bhaskar, Singh, Sharma, and Senani (Adapted
from [3.20] ©IEICE 2005)

Bhaskar, Singh, Sharma, and Senani [3.20] have proposed two universal filter
realizations using OTAs. These are presented in Fig. 3.14a, b. In the circuit of
Fig. 3.14a, OTA G,,, converts the input current to voltage which is again converted
into two currents by OTA G,,;. Note that G,3, G,.4, and capacitor C, realize a
grounded inductance, with which capacitor C; forms a LC tank circuit. However,
damping is provided by G,,3 thus not letting independent control of pole-frequency
and pole-Q. Note that LP, HP, and BP transfer functions are realized. The transfer
functions of the circuit of Fig. 3.14a are as follows.

Lo _ (Gor) (L85 L2 _ _ (G
Iin Gm2 D(S) ’ Iin GmZ

[0_3 _ Gml S2
Iin B Gm2 D(S>

oG
) 1()(Csl)) |

(3.28a)
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where
Gm3 Gm3 Gm4
D(s) = —_— 3.28b
6= s(82) 4 S 2 (.25b)
Consider next the circuit of Fig. 3.14b whose transfer functions can be derived as
follows.
2 Um3 Gma
1L3:_ G Gg;gz ILZZ % S(Cl)
Iin Gm4 D(S) ’ Iin Gm4 D(S) ’
(3.29a)
m2 G3
Io;l _ Gml S + Cf ng
Iin Gm4 D(S)
where
Gml Gm2 Gm3
D(s) = s> = 3.29b
(s) S+S(C1)+C1C2 (3.29b)

In this circuit, OTA G,,4 converts the input current to voltage. The OTA G,,; acts
as a source resistance feeding the tank circuit formed by capacitor C; and lossless
grounded inductance realized by OTAs G,,3, G4, and capacitor C,. The OTA G,,,;
converts the difference between input voltage and the voltage across the LC tank (a
band-pass transfer function) to current output yielding a notch transfer function.

Chunhua, Ling, and Tao [3.21] have suggested a universal filter configuration
presented in Fig. 3.15 using four OTAs. The various transfer functions of this
circuit can be derived as

)p6) = (2252 Gun
1, G
(E)D(v) =Gm G2 (GZ), (3.30a)
1
)D(S) = (ﬂ) S2 Cl C2 +Gml Gm27
Gq
Gy
D(S) G ( Cl C2 ) C2 Gml + Gml GmZ)

a

where

G
D(s) = 5> C; C, +5Cs Gy (G”) + Gt G (3.30b)
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T

Fig. 3.15 Current mode OTA-C biquad due to Chunhua, Ling, and Tao (Adapted from [3.21]
©AEU 2008)

Evidently, the circuit has independent control of pole-Q using (G,/G,). This
circuit (also based on a two-integrator loop) evidently needs OTAs with several
current outputs.

Biolek, Biolkova, and Kolka [3.22] have described a current-mode OTA-C
biquad based on KHN active RC biquad which is presented in Fig. 3.16. Note that
the circuit needs two input currents. The transfer functions of this circuit are given as

I 8 o _50/Qp Lr @) (3310
Iin A, ]in A ’ Iin A .
where
Gml Gml Gm2
A=s’ e 3.31b
S+S<C1>+C1C2 ( )

Note that the circuit realizes basic low-pass and bandpass current transfer
functions from which others are obtained as

2

]

1 G
Typ lin—1Ip —Ipp Ipr s+ g, ¢, lin—1Ipp

Iin _Z Im ’ Im A Iin ’

Gn 2 G G G
Ipp S(Q]) Lip _*° _S(C_ll) TG L 20 ]Ei%
[in A ’ 1,',7 A Iin ’ Iin A

(3.32)
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Fig. 3.16 Current-mode I;
OTA-C biquad due to Biolek, axTerolnpLap v
Biolkova, and Kolka
(Adapted from [3.22]
©WASET2007)

A Iin

Chang [3.10] has proposed two current-mode biquads shown in Fig. 3.17a, b
whose transfer functions are given, respectively, by

Lou
(IO_-Z>D(S) =5 C1 C2 13 =5C1 Gy L +G G I,

1,
(I—_‘>D(s) =5C, G 1L +G, Gy I, (3.33a)

1
(10—2>D(S) =-—5C1G IL+G, G 1L—-Gy Gy I,

where
D(s) = s> C, C2+sC, G2 +Gi G, (3.33b)

Chang and Pai [3.23] have described a current-mode biquad using only two
OTAs with multiple current outputs and with three current inputs. The transfer
functions of this circuit, shown in Fig. 3.18, are as follows.

Lun D(s) = s* C1 Cy Ijs +sC1 Ga (Iiy — Linz) + G1 Ga (Iinz — Lin ),
Ioun D(s) = —s G Ca Iimi — G1 G2 (Iim — Iin2), (3.34a)
Loz = —=sC1 G Iip + Gy Gy iy

where
D(s) =% C; C+sCy G2+ G Gy (3.34b)
Note that at /,,,,,, an all-pass transfer function is realized using /;,,, = 21;,3,1;,1 = O,

I;,3 = I;,. The HP, LP, and BP realizations need, respectively, (a) I;,; = I;;n = I;3, (b)
L,z = I;,p = 0, and (c) I;,3 = I;,,; = 0. A notch realization needs /3 = I, I;,,; = O.
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Fig. 3.17 (a) and (b) Current-mode OTA C biquads due to Chang (Adapted from [3.10] ©IEEE
1999)

in2

1 ——

in3

Fig. 3.18 Current-mode OTA C biquads due to Chang and Pai (Adapted from [3.23]©IEEE 2000)

Wu and El-Masry [3.6] have described two current-mode biquads as shown in
Fig. 3.19a, b. The transfer functions of these two biquads are, respectively:

G G Gn
Lun D(s) = —2L 2" g [y s 222
€ & ¢ (3.35a)
Gmi G G Gy Gn '
]outZD(s): : 211+12 2 4+13 v272

C G Cr G " G
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Fig. 3.19 Current-mode OTA C biquads due to Wu and El-Masry (Adapted from [3.6]©IEEE
1998)

where

GmZ + Gml GmZ
o) C) Cy

D(s) =s*+s (3.35b)

By removing the feedback around G,,,, infinite pole-Q can be realized. The
circuit (b) is same as that of (a) except for additional feedforward voltage and
current inputs using additional OTAs.

Sun and Fidler [3.5] have exhaustively studied the two-integrator loop-based
current-mode OTA-C filters. They have suggested the four structures shown in
Fig. 3.20a—d in which by having different choices, different filters can be obtained.
All of these have been designed to have independent control of pole-Q and pole-
frequency.
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Gml Ii2 C2
Gl " 1

Fig. 3.20 (a)—(d) Current-mode biquads due to Sun and Fidler (Adapted from [3.5] ©IEEE 1996)
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ml

Fig. 3.20 (continued)

The transfer functions of these circuits are
Figure 3.20a:

Dy (s)1p1 =t2sliy —kio In+ ki I3 tas + ko Iis 128 (3.36a)

where l)1 (s) = S2 T Tp+851) k11 +k12and k]] = %7](12 = g_mZ'
Figure 3.20b:

Dy (8)1p1 = (t2s+ ko) I —kip Iip + ki 125134

D> (S‘) Ipo=11+7115]p +(‘L’1 sk +k12) 134 (3.36b)

2

where D, (s) =
Figure 3.20c:

Gy, — G
T1 T 87T ko +kip and kyp = 52 ko =22

D, (S)],,l =1T8lii —kpplp+kiplstas (3.36¢)
m3 Gm4
here ki = —,kip = —
where Kpp G y K12 Gos
Figure 3.20d:
Dy (8) 101 = (t28 + ko) iy — ki Iip +kia (125 + ko) Iis (3.36d)
m Gm . C C
where ky = —3,k12 — 2™ Note that in (3.35), 11 = ! and Ty = by

G Gus 81 )
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The circuit of Fig. 3.20a needs six OTAs, has four current inputs, and realizes
four current transfer functions at different output terminals of LP, HP, BP, and BS
types. The circuit of Fig. 3.20b needs five OTAs, has three current inputs, and
realizes current transfer functions of LP, HP, and BP types. The circuit of Fig. 3.20c
on the other hand needs five OTAs, has three current inputs and realizes only
current transfer functions of LP and BP types. Finally, the circuit of Fig. 3.20d
needs five OTAs, has three current inputs and realizes LP and BP current transfer
functions. Sun and Fidler have also suggested that the circuits can be simplified by
choosing ky; = 1 or ki, = 1 or both k;; = kj, = 1 in the case of Fig. 3.20a (where
ki1 = G,3/Goas kK12 = G,5/G ) and in the case of Fig. 3.20c, d ki, = 1 (where
kiz = Gpa/Gps).

A universal biquad filter circuit capable of providing all-pass/band-pass/high-
pass/band-stop/low-pass filter function can be obtained by using the basic structure
of Fig. 3.5g redrawn in Fig. 3.21a by replacing the admittance Y, with a resistance
realized using OTA G,,4 and Y,, with a series network of grounded inductance L
(of value C,/G,,»G .3 simulated using OTAs G, G,,,3, and grounded capacitor C)
in series with a capacitor C. The resulting universal biquad] circuit due to Kamat,
Ananda Mohan, and Prabhu [3.24] is presented in Fig. 3.21b.

The transfer function I,4p,/I;, for the circuit is given by

gm2gm3> + Em28m3

S2 — S(
Iapp _ Ni(s) 8ms C2 Ci1C, (3372)
Ly D (S) 24 S(gngnB) + 8m28m3

&m C2 CiCy

Evidently under the condition G,,; = G4 = G,,, (3.36a) becomes a second-
order all-pass (AP1) current transfer function. The other node voltages and current
transfer functions can be obtained as

2 8m28m3
—VBSI = (gm4 +gm1> (S + CiC ) VHPI — (gm4 +gm1) (Sz)
Iin Em1 8ma D, (S) ’ Iin 8m1 8ma D, (S)

Gm3
Iupy _ (Gm4 +Gml> Guzs® Vgpi _ (Gm4 +Gml) S(TZ) (3.37b)

Iin Gml Gm4 Dl (S) ’ Iin Gml Gm4 Dl (S) ’

GNX GNL
b __(Gort G (s5)

Iin Gml Gm4 Dl (S)

Thus an inverting all-pass, an inverting band-pass, and a noninverting high-pass
current transfer functions and a noninverting notch and a noninverting high-pass
voltage transfer functions are available. Note also that the band-stop current transfer
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Fig. 3.21 (a) Basic configuration to derive universal biquads, (b) universal biquadl (AP1/BP1/
HP1/BS1/LP1) filter derived from the configuration of (a), (c¢) universal biquad2 (AP2/LP2/BP2/
BS2/HP2) filter derived from the configuration of (a), (d) biquad3 (HPN3/HP3/LP3/BP3) filter
(ILP3 when G,,;; = G,p = G,3, C» = C5 and Igp3 when G,,,; = G,3, C1 = C3), and (e) biquad4
(LPN4/LP4/HP4) (Iyyp4 and Iyorcy When I, = 0) (Adapted from [3.24] Birkhauser ©2010)

function can be obtained as Igg; = I4p; — [;,- A low-pass transfer function can also
be obtained as I;p; = Iypy + Iap1 — I;, using G,;; = G4 = G,3. However, no
independent control of pole-Q and pole-frequency is possible in the case of the LP

transfer function. The resulting transfer functions are:
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( 2 GmZ GmS)
2l s*+—F——
Ipsi _lapt —lin _ Ci G ) e Lapy = lin +1up
[in [in Dl (S) ’ Iin Iin
2Gn12Gm3
aa
D1 (S)
_(Gna+ G (163w

IBl _ Gml Gm4 © IHPI o (Gm4 +Gm1) Gm3 s2 (3 38)
i D (S) ’ L Gt G D (S) '

Note that all-pass transfer function is realized under the condition
Gui = Gz = G

Another universal biquad filter circuit capable of providing all-pass/low-pass/
band-pass/band-stop/high-pass filter function is realized using the basic structure of
Fig. 3.21a by replacing the admittance Y, with a resistance and Y,, with L, in parallel
with C;. The resulting universal biquad?2 circuit is presented in Fig. 3.21c. Note that
G4 realizes Y, and the grounded inductance L, is realized by OTAs G, and G,,3
and capacitor C,. The all-pass transfer function /,p,/I;, of this circuit is given by

2
52— Sy 2o
Iap2 _ gm N (S)_gn_n( Ci GG

Ly B a D, (S) B Ema ( Emi nggm3>

Ema nggm3>

(3.392)

§2 4§28 4

Cy CiCy

under the matching condition G,,; = G,,4. The other node voltages and current
transfer functions obtained in the circuit of Fig. 3.21c are as follows.

s G
Ver2 _ (Gm1 +Ga) (C_1> Igpy _ (Gmi + Gpa) S(c_lz)

I, 8m4 D, (Y) ’ Iy Gma D> (Y) ’

GmZ Gm2Gm3
Vire (G +Gma) C1Cy M (G +Gwa) C,Cy (3.39b)
I; Gma Dy (S) ’ I Gna Ds (S) ‘

A notch transfer function can be obtained by adding the input current with the
all-pass current output:

2 Gm Gn13
Ipsy  Lin+Iap2 (G + Gou) (S RaeTe )
BAL = (3.39¢)
Iin Iin Gm4 DZ (S)

A high-pass transfer function can be realized by noting that Iyp, = I;, +Isp2 +
Ipy:

Iupo _ Lapr + 112 . (G + Gg)  5*

Iy Iin G D, (S)

(3.39d)
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Fig. 3.21 (continued)
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*—4
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—>» ILPN4/ILP4/IHP4

Fig. 3.21 (continued)

A circuit capable of providing a high-pass notch/high-pass filter function is
realized using the basic structure of Fig. 3.21a by replacing the admittance Y,
with a grounded capacitor C3 and Y,, with L, in series with C; with I;,,; = [;p = I,
The resulting biquad3 filter circuit is presented in Fig. 3.21d. Here the grounded
inductance L, is realized by OTAs G,,; and G,,3 and capacitor C,. The transfer
function Iypy3/l;, of this circuit is given by

GGy, C
sz+#(l ——1)

Inpn3 N3 (s) CiCy C;
— — 3.40a
Lin Ds (s) 24 GG i GG ( )
G Ca CiC

Evidently the function /I5;pn3/l;, is a high-pass notch since w, < ,. The circuit
for the case C; = 0is known in the literature, since component simulation of a series
LC circuit in parallel with R is known to realize a notch transfer function. In this case,
however, other transfer functions including /zp and I; p are available. In this case, /;,;
at the noninverting input of OTA G, is not needed.
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It is possible to realize a low-pass transfer function for which there is no
independent control of pole-Q and pole-frequency:

G
I Iin - 10
LP3 _ 3 _ C1 G (3.40b)
]in [in ) Gm G,zn
S“H\e ) oo

under the condition /;,,; = I;,p = I, G,;1 = Gp = G,3, and C, = C5. Under this
condition, the notch frequency is related to pole frequency and pole-Q, since
C,/C,y = 1/Q,,2. Next, a band-pass transfer function can be obtained under the
condition G,,; = G,,3, C; = C3, as

Gml
Igps _dor —loo —lin _ SC_l (3.400)
Lin Lin & 4s (sz> JrGml Gmn '
6} C1

A high-pass transfer function is realized at the Izp; output. Note that independent
control of pole frequency and pole-Q is not possible.

Alternatively, with ;,, = 0, the circuit of Fig. 3.21d can also realize a I; p5 at the
THPN3 output given by

GmZGm3
Tupn3(Lp3) C2C5
= 3.41a
I Dy (5) (341a)

The circuit also can realize band-pass and low-pass transfer functions at the
output of OTAs G,,;3 and G,,», respectively:

s (Gm3)
I
s | AG/ (3.41b)
Iin D3 (S)
<Gm2Gm3>
o _ MGG J (3.41¢)
Iin D3 (S) .

A low-pass notch filter circuit (LPN) can be realized by using the basic structure
of Fig. 3.21a by replacing the admittance Y, with a grounded inductor L; and Y,
with C; in series with grounded inductor L, with [;,; = I;,» = I;,. The resulting
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circuit is presented in Fig. 3.21e wherein the grounded inductance L, is realized by
OTAs G,,4 and G,,5 and capacitor C5. The grounded inductance L, is realized
by OTAs G,,, and G,,3 and capacitor C,. The transfer function of this circuit is
given by

Iipna < _ GmZGn13C3> Ny (s)

Iin Gm4Gn15C2 D4 (S>
GmZGmS
52+
cor(1- GG Cs
— (1 . Gm2Gm3C3> 2 GnaGpsCr (3.42a)
Gm4Gm5C2 S2 +s GmZGm3 + GmZGm3 .
GmCa CiCy

Evidently the circuit implements low-pass notch, as w, > ,. The notch and
pole frequencies w,, w, and the pole-Q Q,, can be independently tuned. For optimal
design/low spread, we may use G,,4 = G5 and G, = G,,3. The sensitivity of the
pole-frequency and pole-Q can be seen to be low with respect to all G,, and
capacitor values. Under the condition G,,G,;3 = G,4G,s and C, = Cs, 1,1/1;,
will implement a low-pass biquad LP4 and with /;,,, = 0, the circuit of Fig. 3.21e
will realize a noninverting high-pass biquad.

GmZGm3
I I GG C 2
et _ | _CiC ’ HP4 _ 2Gm3C3 s (3.42b)
]in D4 (S) Iin Gm4Gm5C2 D4 (S)

Bhaskar, Sharma, Singh, and Senani [3.25] have described five OTA-C biquads
that can work in dual-mode as VIVO or CICO biquads. These are presented in
Fig. 3.22a—e. All of these need only four OTAs and some with dual ouputs. All
realize three voltage transfer functions and three current transfer functions. The
current-mode ciruit is obtained by using a resistor (simulated using OTA) as an
input current to voltage converter to realize the same voltage transfer functions. All
these filters are based on two-integrator loops and use one OTA-based additional
amplifier to realize the finite Q by damping the lossless two-integrator loop. The
circuit of Fig. 3.22¢ needs only three OTAs for the pole-forming loop.

The voltage mode and current-mode transfer functions of these circuits of
Fig. 3.22a—¢ are presented next:

Figure 3.22a:

()= (22).

V02 Gml Gm4 V03 Gml GmZ Gm4
Dy (s) = s 2 7m Dy (s) = (—pt 2m2 2md 3.43
(V,-) (5 S<C1 sz)’ (Vz‘) (5 ( C1 C2 G3 > (4%
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Fig. 3.22 (a)—(e) Current-mode OTA-C biquads due to Bhaskar, Sharma, Singh, and Senani

(Adapted from [3.25]@©Frequenz 2006)
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Fig. 3.22 (continued)
where
Gml Gm4 Gml GmZ
D (s) = 3.43b
1) =s +s<c1 G ) G (3435)
Figure 3.22b:
Vol Gm3 V02 Gm3 Gm4
D =85 — —_—
(Vz‘> () S(Cl)’(vi Ci1 Gy )’
V. Gz G
( ”3) D, (s) = §* + -2 Tmt (3.43¢)

V; Ci G
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where
Gm2 Gm3 Gm3 Gm4
D 2 3.43d
2 6) = s (G2 ) 4 O (3.430)
Figure 3.22c:
V03 Gm2 2 Gm3 Gm4
D = — —_—
(v,-> (=", (s oo )
Vo2 G2 G3 Vol G2 Gz Gua
D = D = = 343
<Vi> 2(9) S<C1 Gml)’ <Vi> 2(5) (Cl Cy G > (3.43¢)
where
Gu3 Guz G
D 2 P 42 3.43
)=o) 4 G (3.430
Figure 3.22d:
VO Vo m
! Dy (s) = 5%, 2 D4(s):—s@ ,
V,' V,‘ C]
(3.43¢)
V03 D (S) _ Gml Gm2
vi) ! C C,
where
Gml Gm3 Gml GmZ Gm3
Dy (s) = 5% + 3.43h
4(s) = +Y< Cq Gm4) Ci C G ( )
Figure 3.22e:
Vo G Vo
< Vil) D5 (S) = S2 (C;mi>’ < V12> D5 (S)
Gml Gnﬂ V03 Gml Gm2 Gm3 .
= — . D = 3.43
S<C1 Gus ) \ Vi 5(5) Ci Cy G (343D
where

Gml Gml GmZ Gm3 .
D = - — 3.43
s(5)=s +S<C1> Ci1Cr Gy (3.43)
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The respective current-mode transfer functions are:
Figure 3.22a:

Iul 2 Gml Gm2 [02
(Iin> 1(s) (s * Ci G )7 (Iin) 1)
G 1 Gu G
:s2< ml), (L3>D s) = —s<4m1 mz) 3.44a
Gm3 Iin ! ( ) Cl Gm3 ( )

loa =1, — 1, and G,,; = G,;3 low-pass, I,5 =1, —1,3 and G, = G4 all-
pass
Figure 3.22b:

103 2 Gn13 Gm4
2\D S —m ma
(Iin> 2(5) (S * CiCy )’

101 2 Gm3 [02 GmZ Gm3
2\ p — 22\ p — g 2 Tm
([m) : (S) S (Gml> ’ <Iin) : (S) s( Cl Gml >

(3.44b)

Iy =1, +1,5 and G,,; = G,;3 low-pass, I,5 =1,3—1,, and G,,, = G4 all-
pass
Figure 3.22c:

103 2 Gm3 Gm4> Gm2

— | D3(s) =— | s+ ,

(Iin) 2(5) ( CiCy )G+ Gm
102 2 Gm3
2)Ds(s) = -5 [ 3.44
<Iin> } (S) N <Gml +Gm2>’ ( C)
101 Gm3 Gm4 >
— |ID3(s) =8| =—————
<Iin) 2(5) (Cl (Gt +Gm2)

Tog = 1pp +1,3 and Gm2 = Gm3 IOW-paSS, Ios =11 + 153 and Gml = Gm2 =
2G4, all-pass
Figure 3.22d:

101 Gml Gm3 Gml Gm2 Gm3>
— |Di(s)=—1[s + ,
(m) 1) ( Ci Gu ' CiC2 G

102 2 Gml 103 SGml Gm2
<\ D — —ml 2°\D — (I=m Tme
<Iin) N (S) y (Gm4>7 (L’n) ! (S) ( Cl Gm4 )

(3.444)

Iy =1, +1,5 and G,» = G5 low-pass, I,s =1,+1,4 and G, = G4,
G2 = Gy, notch and 1,6 =10 + 13+ 1,4 and G,;; = G4, Gp = G5 all-pass,
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Figure 3.21e:
103 Gml GmZ Gm3
2\ D — (I me wmo
(I,-n> 1(s) ( Ci Cr G )7

[01 2 Gml 102 Gml GmZ
<Iin) : (S) g (Gm4>’ (1i11> : (S) S( Cl Gm4 )

(3.44¢)

Note that 1,4 =1, +1,3 notch and I,s =1, +1,,+1,3 are all-pass transfer
functions.

3.5 OTA-C Filters Using First-Order All-Pass Sections

3.5.1 OTA-C Filters Derived from Tarmy—-Ghausi
Active RC Filter

The active RC filter due to Moschytz [3.26] which is a modification of the
Tarmy and Ghausi proposal [3.27] based on the block diagram of Fig. 3.23 was
discussed in Chap. 2 (see Fig. 2.25a). This basically consists of two first-order all-
pass filters in a negative feedback loop. The pole-Q of this circuit denoted as Q,, can
be shown to be

1+ A
0, = m (3.45a)

The sensitivity of Q,, to A, can be derived as

1

Q
Sy =0, —— (3.45b)
P
2 40,
Vpp
™~ /T T First-order First-order
V. IA/ N all-pass filter all-pass filter
i . X

pd
A,

Fig. 3.23 Moschytz’s modified Tarmy—Ghausi configuration
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in

A —o A

Gmb Gma Gmb Gma

+ +

G

ma

Fig. 3.24 (a) OTA-C filter based on Moschytz’s modified Tarmy—Ghausi active RC filter and
(b)—(d) three subcircuits that are used between terminals A and B in (a) (Adapted from [3.32]
©IET 2010)

Interestingly, there are two methods suggested in the literature [3.28, 3.29, 3.30,
3.31] for implementing A, to reduce the pole-Q sensitivity. In these, A, is expressed
as P/(P + Q) and (P — Q)/(P + Q). These are considered next.

The OTA-C implementation of universal current-mode filter structure based on
the Tarmy—Ghausi (TG) configuration [3.32] is given in Fig. 3.24a. The feedback
factor A, can be realized in three ways as shown in Fig. 3.24b—d. The circuit denoted
as TGO uses two OTAs G,,, and G,,;, to realize feedback factor A, = G,,,,/G .. as
shown in Fig. 3.24b. The OTA G,,, is used as an OTA simulated resistor and the OTA
G, acts as a V-to-I converter. In Fig. 3.24a, the feed-forward path consists of two
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first-order all-pass circuits. The OTAs G,,;, G,,;3 and capacitor C; realize one first-
order all-pass section and the OTAs G,,», G,,,4 and capacitor C, realize another second
first-order all-pass section. The overall transfer function of the circuit TGO, under the
matching condition G,,,; = G,,;3 = G, = G4 = G,,andC; = C, = C, is given by

G Gn\’
(B —B; +Bz)—|—2s C (B Bz)—|— — (Bo + B, +Bz)

@ _ Gma C
I in B Gma + Gm — 2
( h) S2 + 28% (Gma Gmb) (G’n)
(Gma + Gmb) C

(3.462)

The circuit has independent control of the Q-factor and pole-frequency w,,.
Evidently the pole-Q, and Q,-sensitivity of this circuit (TGO) can be obtained
from (3.45a) by noting that A, = G,,,/G,,,, as

Gmh
1
(Gma + Gmb) _ 1 ( + Gma)

1
0,=- =— (3.46Db)
P 2 (Gma - Gmb) 2 1— Gmb
Gﬂl(l
and from (3.45b),
o (3.46¢)
w =% 40, '

For high Q, realizations, the sensitivity of O, with respect to A, has the same
order of Q,,.

The use of the feedback circuit as shown in Fig. 3.24c¢ in the structure of
Fig. 3.24a, significantly reduces the Q, sensitivity. In this case, the two OTAs
G,.. and G,,, realizing resistors are connected in parallel. The feedback factor A,
can easily be seen to be

Gmb
Ay =——— 3.47
? Gma + Gmb ( a)

The overall transfer function of TG1, under the matching condition G,,;; = G,,3
=G = Gy = G, and C; = C, = Cis given by

@ _ (Gma + Gmh)
Iin (Gma + 2Gmb)

Gn G
(B()—B]—‘y-Bz)—l-zSi — (Bo+Bl+B2)
o C C
G ma G
422" —
C (Gma + 2Gmb c )

(3.47b)
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The pole-Q and Q,, sensitivity of TG1 circuit are given as

1 8mb 0, 1
Op ==+ s Semy =1 —— (3.47¢c)
r 2 gmu ﬁ ZQp

The third modified Tarmy—Ghausi biquad circuit TG2 uses the feedback circuit
of Fig. 3.24d and realizes

A2 _ Emb — 8ma

(3.48a)
8mb + 8ma

using two OTAs in a novel manner to reduce the Q,-sensitivity. The two OTA
simulated resistors G,,, and G,,, in Fig. 3.24d are connected in parallel as in
Fig. 3.24c, but the mirrored output current of OTA G,,, is subtracted from that of
G, to obtain the feedback current /. The overall transfer function of TG2 can be
shown to be

G Gn\’
52(30—31 +Bz)+2S—(Bo—Bz)+ (?) (B, + B4 +Bz)

@ o (Gmb + Gma) C
Iin 2Gmb $2 + zs% Gma + % g
C Gmb C
(3.48b)
The pole-Q and Q,,-sensitivity of TG2 circuit can be seen to be
1Gw o0
S A | 3.48
Op 2G,, (gzs) ( c)

It is possible to realize a universal OTA-C biquad using the basic configuration
of Fig. 3.24b using a general synthesis procedure for obtaining the various compo-
nent values to realize general biquadratic functions. This is possible by invoking an
analogy between direct form digital filter structure [3.33] and Tarmy—Ghausi
circuit arrangement by recognizing that in the place of the delay operator “z~'”,
using bilinear transformation, one obtains a first-order all-pass network in the
s-domain. Thus, the Tarmy—Ghausi biquad can be considered to be based on a
second-order direct-form digital filter of Fig. 3.25a with no middle feedback loop
(i.e., A; = 0). Thus we consider the architecture of Fig. 3.25b to realize a general

second-order filter whose transfer function is given by

= T (3.492)

Lous . Bo+B z7'+B, 272
L

Note that CM in Fig. 3.25b is a current mirror with two outputs. The
corresponding analog transfer function is as follows.
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a B,

x (n) o, >—FH— v

v

»

in CM S+, S+aw,

Fig. 3.25 (a) Direct form II realization of second-order digital filter and (b) equivalent general
current-mode second-order analog filter realization using first-order all-pass sections based on
Tarmy—Ghausi circuit arrangement

= (3.49b)
(1 +A2){s2 + 2swpm+ w,,z}

Iou _ | 5*(Bo — Bi + Ba) + 250, (B, — By) + ,* (B, + B1 + Bo)
Iin

Note that (3.48b) is a universal second-order transfer function, since any filter
type can be derived from the expression. However, it is easy to synthesize the
desired A,, By, Bi, and B, values by observing (3.49a). The numerators of second-
order digital transfer functions corresponding to the use of bilinear transformation
on s-domain prototype for low-pass, band-pass, high-pass, notch, and all-pass
transfer functions are:

LP: (14+2z7'4+272) Bo=1,B =2 B,=1

BP: (1—z72) Bo=1,B,=0,B,=—1
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Table 3.1 Different filter realizations using basic Tarmy—Ghausi circuit arrangement with
feedforward factors

B, B, B, Filter type Transfer function
1 2 1 LP 4 (0p2
(1+A42) D(s)
1 -2 1 HP 4 52
(1+42) D(s)
1 0 -1 BP+ 4 s,
(1+42) D(s)
-1 0 1 BP- 4 s,
(1+A42) D(s)
1 0 1 BS 2 (sz +w,72)
(1+4;)  D(s)
B, -1 B, HPN1 20410\ [, (2B =1\ ,
— ] 4 > D(s).
4 ) g ) /)
,(wp, Condition to be satisfied :,)0.5
B, 1 B, LPN1 20—\ [, [2B+1\ ,
D(s).
14 )" e =)™ /)
y)p, Condition to be satisfied:5;)0.5
A 0 1 AP 1-A
2 (s2 — 25w, (—1 +Az) + wp2> /D(s)A
1 0 B AE 1+ﬁ>(<2 (1-5) 2)
§° 4 250wp ——S+w D(s).
<1+A2 P g [p6))
Note that D(s) = s> + 250 (1 =4) + w,?
P(1+4) 7"

Adapted from [3.32] ©IET 2010

HP: (1 —2z7'4272) By=1,B1=-2,B,=1

Notch: (1+oaz ' +272) By=1, By

Il
R
oo
)
I
—

All - pass : (Az +272) By=A,, Bj=0, B, =1

Note that |<x| < 2 and thus o can be positive or negative. The corresponding
s-domain transfer functions for these various cases are presented in Table 3.1. From
this table, it is evident that all second-order filter types such as low-pass (LP), high-
pass (HP), band-pass (BP), symmetric notch (BS), low-pass notch (LPN), high-pass



3.5 OTA-C Filters Using First-Order All-Pass Sections 195

notch (HPN), all-pass (AP), and amplitude equalizer (AE) can be derived using the
circuit arrangement given in Fig. 3.25b. The band-pass and symmetric band-stop
realizations are simple as they need unity coefficients for feedforward inputs,
whereas all the other biquad filter types such as LP, HP, LPN, HPN, AP, and AE
require at least one nonunity gain feedforward coefficient. Note that in some cases,
a multiplier of 2 will be needed. Note that current mirrors with appropriate ratioed
devices can be used at the OTA output to realize these desired gain constants.

3.5.2 Second-Order All-Pass OTA-C Filter Realization Derived
Jrom Mitra—Hirano and Gray—Markel Structures

The second-order all-pass filter realization using basic Tarmy—Ghausi circuit
arrangement of Fig. 3.25a requires the feedforward coefficients B, = A, in addition
to B, = 1, which needs matching of the appropriate additional OTAs in the
feedforward path with those in the pole-forming loop. Therefore, it is of interest
to derive novel circuits that may possibly need a single scaling factor A, which acts
as both a feedback factor as well as a feedforward factor. It is also of interest to
explore other second-order all-pass digital filter structures using two z ' delay
blocks, which is equivalent to two first-order all-pass sections in the s-domain
that also share the scaling factors in the numerator and denominator of the transfer
function.

Mitra and Hirano [3.34] have presented Type 2 and Type 3 second-order all-pass
digital filters. However, their direct adaptation to OTA-C filters can take advantage
of a property that the pole frequency ), of the second-order OTA-C filter is
controlled by the pole-frequency of the two identical first-order all-pass filters
and only the pole-Q needs to be controlled. However, due to the particular structure
of the denominator of the transfer function (viz., 1 + Alz’1 + AlAzz_z), both the
multipliers are needed, not enabling any simplification if we choose a Type 2 all-
pass digital filter. On the other hand, if we choose the Type 3 structure of Fig. 3.26a,
the denominator of the transfer function is (1 + A,z + A,z ?), thus providing the
option of choosing A; = 0. The corresponding OTA-C filter is shown in Fig. 3.26b.
This filter uses a single scaling factor A, given by Az = gu»/(gma + &mp») - The
denominator of the transfer function of the filter of Fig. 3.26b is same as that of
Fig. 3.24a using the subcircuit of Fig. 3.24¢ and hence the pole-Q and its sensitivity
are described by (3.47c¢).

Consider next the second-order all-pass digital filter realization, given in
Fig. 3.27a, based on the Gray—Markel lattice structure [3.35] using two one-
multiplier lattice sections connected in a nested direct-form II structure. As has
been seen in the case of the Mitra—Hirano all-pass filter, the pole-frequency in the
OTA-C version can be controlled by the pole-frequency of the first-order all-pass
filters but only the pole-Q needs to be controllable. The OTA-C filter derived from
Fig. 3.27a is presented in Fig. 3.27b. Note that K| = Gy /(G + Gump)- The pole-Q
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X (n) =<‘ ? » y(n)

\V

Fig. 3.26 (a) Mitra and Hirano Type 2 second-order digital all-pass filter structure (Adapted from
[3.34]©IEEE 1974), and (b) second-order OTA-C all-pass filter derived from (a) choosing A; = 0
(Adapted from [3.32]©IET 2010)

realized and the pole-Q sensitivity are described in this case as well by (3.47c¢).
It may be mentioned that essentially the Gray and Markel filter of Fig. 3.27a uses
-1
"and Atz and the use of bilinear
1+ A1 z1
transformation yields first-order all-pass filters of different pole frequencies which
is of no advantage in OTA-C filters. As such identical first-order OTA-C all-pass
filters have been used. Hence, the architecture is of interest in the way the numera-
tor of the second-order all-pass filter is realized sharing the multiplier used in the

realization of the denominator.

two all-pass filters of transfer functions z—
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Oy

Oy

Fig. 3.27 (a) Gray and Markel second-order all-pass digital filter structure (Adapted from [3.35]
©IEEE 1973) and (b) OTA-C second-order all-pass filter derived from (a) (Adapted from [3.32]
©IET 2010)

3.6 High-Order OTA-C Filters

High-order OTA-C filters can be realized using a cascade technique in which the
previously considered first- and second-order biquads can be used appropriately by
taking into account the loading considerations. High input impedance will be
required to facilitate such cascading of voltage-mode OTA-C filters. Current-
input current-ouput type OT-C filters also can be easily cascaded. On the other
hand, high-order filters can be realized based on operational or component simula-
tion of LC ladders or multiple-loop feedback techniques. These are considered next.

3.6.1 Inductance Simulation Using OTAs

A circuit for floating inductance simulation [3.36] is presented in Fig. 3.28a. The
principle of operation is as follows. The input voltage (V4 — V}p) is converted into a
current of value G,,;(V4 — V3) and integrated on a capacitor C to develop a voltage
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Fig. 3.28 (a) OTA-based floating lossless inductance, (b) third-order prototype elliptic low-pass
filter, (¢) OTA-C filter derived from (b using (a), (d) fifth-order OTA-C filter derived from a RLC
prototype, (e) floating resonator simulation using OTAs (Adapted from [3.36] ©IEEE 1991),
(f) equivalent ciruit of (e), (g) floating FDNR simulation using OTA (Adapted from [3.37] ©IEE
1998) and (h) third-order low-pass filter using FDNRs



G,1(V4 — Vp)/(sC). This voltage is converted into two currents /4 and I3 using two
_ Em1 8m2 (VA - VB)

OTAs G,,; and G,,;3. These currents evidently are [, = —Ip c .
s

is realized. If one desires a

Effectively, thus an inductance of value
8m1 8m2
grounded inductance, it can be easily obtained by grounding terminal B. In this

case, OTA G,,, is not needed and hence can be deleted. Note that the parasitic
capacitances at the outputs of the OTAs affect the realized impedance. Specifically,
considering the output resistance and capacitance to ground of OTA G,,;, the
output capacitance C, adds to the existing capacitance C and thus the inductance

Cc+C . . . .

value changes to q The effect of finite R, is to introduce a resistance of
Em1 8m2

value — in series with the realized inductance. The output parasitics of

RO Em1 8m2
the OTAs G, and G,,;3 and input parasitics of OTA G,,; will be directly across the

ports A and B to ground and these need to be controlled by proper layout or can be
absorbed if resistance and capacitance exist to ground at these nodes in the circuit.

3.6.2 Voltage-Mode OTA-C Filters Derived from RLC Ladder
Filters Using Component Simulation

The OTA-based floating inductance of Fig. 3.28a can be used to obtain voltage-mode
OTA-C filters from prototype RLC ladder filters. As an illustration, a prototype elliptic
low-pass ladder filter is presented in Fig. 3.28b. The corresponding OTA-C filter
obtained by substituting the floating inductance of Fig. 3.28a in place of the inductance
L and OTA-C based resistances for the terminating resistances R, and R, is shown in
Fig. 3.28c. Note that these circuits invariably have parasitic capacitances at various
nodes (inputs and outputs of the OTAs) and these can be absorbed in the shunt
capacitances in the case of low-pass filters as mentioned before. In the case of high-
order filters, the adjacent OTAs can be shared between floating inductances, by lifting
the (previously) grounded input of the OTAs to feed another input from the neighbor-
ing OTA. As an illustration an OTA-C filter based on a fifth-order low-pass filter is
presented in Fig. 3.28d, in which the OTA G, is shared between adjacent floating
inductances.

The implementation of Fig. 3.28c uses a floating capacitor. It is preferable to
use circuits with grounded capacitors. Interestingly, the floating capacitors can be
realized using the grounded inductance simulation circuit by replacing the
grounded capacitor with a grounded inductance. This inductance can be simulated
using OTAs and grounded capacitors. Instead of separately using a floating capaci-
tor and floating inductance in parallel, the simulation of the floating tank circuit can
be done using the circuit of Fig. 3.28e. The resulting equivalent circuit of the
floating tank circuit is shown in Fig. 3.28f.
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Fig. 3.28 (continued)
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Fig. 3.28 (continued)

Sun [3.37] has described realization of FDNR (frequency dependent negative
resistance) simulation based on OTAs and grounded capacitors. This circuit, shown
in Fig. 3.28¢, once again is based on the inductance simulation scheme of Fig. 3.28a
32 Gml GmZ

G G
realized using three OTAs and two grounded capacitors is employed. The value of
the realized FDNR is — = CGIméng; G A grounded FDNR can be obtained by
grounding the terminal V, and deleting the OTA G,6. A third-order low-pass filter
using two such grounded super-capacitances is shown in Fig. 3.28h. Note, however,
the circuit is quite complicated compared to the OTA-C filter of Fig. 3.28c without

capacitor C,.

in which in place of the grounded capacitance, an impedance of value
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3.6.3 Table-Based Linear Transformation Type OTA-C
Filters Based on Ladder Filters

Hwang, Liu, Wu, and Wu [3.39] have described a table-based substitution method
for obtaining OTA-C filters from LC filters. This is based on a technique known as
linear transformation which was described for active RC filters by Dimopoulos and
Constantinides [3.38]. In this technique, the given RLC prototype is first divided
into sections comprising shunt and series arms. The ith two-port sections are usually
described by port voltage V; and port currents /;. These are transformed into new
variables x; and y; through multiplication by a matrix:

X1 o B V.
1i _ li le il (3503.)
Y1 i Ou | | Iin
In a similar manner, the other port voltage and current also can be defined as
X | | % Bai _ 3, Vai
Yoi V2i 02

D;
It is easy to see that x{, y;, X», and y, can be related through the ABCD matrix of
the network relating Vy;, Iy;, Vo;, and I; as

Vai

3.50b
L ( )

M| _ o B | AL By gl | = birl | i (3.50¢)
Yii 71i 01 | | C1 Dy Yai cidi| |y
where
1
a4 =4 [o1i (2i Ai =2 Bi) + By (2 Ci — 72; Di)]
1
bi=+ [on; (21 Bi = Boi Ai) + B (2i Di = Bo; Ci)]
1
1
Ci = 5[0 (921 Ai =72 Bi) + 01i (921 Ci = 721 Di)]
1
ai =3 [11; (22i Bi = Ba; Ai) + 01 (%2i Di — Bo; Ci)] (3.50d)

where A; = oy; 02; — fBy; 75 - Furthermore, [y;; y,]" can be easily obtained from
Do 2]

It may be noted that o and y are dimensionless wheras 3 and & have dimensions of
impedance, making x and y have dimensions of voltages and consequently a, b, c,
and d are dimensionless ratios.
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Next, it is to be noted that the cascade connection of two ports imposes a
constraint:
1 0
10 —1

It is required to choose the transformation matrices appropriately so that simple
structures can be obtained and the constraint can be seen to result in cross connec-
tion of two adjacent ports. Note also that the source and load terminations are
described as

Via
I,

Vai

(3.50e)
I

Vv
nr)| M =nRIsy || =E (3.500
111 Y
and
1R]S; [ =0 (3.50g)
Yon

The reader is urged to refer to [3.38] for a detailed discussion.

The application of this technique to OTA-C filters results in the equivalences
of Fig. 3.29 which consist of the equivalent OTA-C subcircuits corresponding
to the usually needed series and shunt arms in ladder filters. Starting with the
prototype, after sectioning the circuit, look-up from these tables yields
corresponding OTA-C sections. These need to be cross-connected to obtain the
final circuit.

As an illustration, consider the third-order all-pole low-pass filter of Fig. 3.30a.
The corresponding OTA-C filter is as shown in Fig. 3.30b. This circuit needs only
four OTAs. On the other hand, the circuit obtained by substituting the floating
inductance simulation circuit of Fig. 3.28a needs five OTAs. Consider next the
third-order elliptic low-pass filter of Fig. 3.28b for which the corresponding table-
based transformation using Fig. 3.29 yields the OTA-C filter of Fig. 3.30b. Evi-
dently, this circuit needs only seven OTAs as against eight needed in the component
simulation-based circuit of Fig. 3.28e.

It is possible to derive the circuits obtained by table-based transformation in an
alternative way without involving the theory of linear transformation. This uses the
observation that the series components of impedance Z need to be considered as
fed with the voltage (V| — V,) and create a current I to be given to the adjacent

sections on either side. Thus, a floating inductance L will develop the relationship

Vi—-V
ITiR = % In the case of the shunt arm of impedance Z;, the input current /;,,;,
s

output current /,,,;, and the impedance Z; and the port voltage V; are related for

) I —1 .
a shunt capacitor as V; = M9 In the case of source E and a RC network
s
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Fig. 3.29 Tables used in table-based simulation of ladde filters due to Hwang, Liu, Wu, and Wu
(Adapted from [3.39]©IET 1994)
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Fig. 3.29 (continued)

(see Fig. 3.29a), the output voltage is expressed in terms of E and current i fed by
the next branch as

E—iR

Vi=——
! 1+sCR

(3.51)

In summary, the series arms convert differential voltages across the terminals to
current whereas the shunt arms convert differential currents into voltage. The
interesting point is that in the derivation of active RC filters from low-pass elliptic
filters, we have modeled the circuit as an all-pole filter together with cross-
connecting capacitors being used to realize the transmission zeroes. Thus the
inductor currents are state variables (inverted, i.e., of opposite sign) and capacitor
voltages are also state variables realized at the outputs of integrator blocks. On the
other hand, in LT filters, the complete branch currents and node voltages are
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V.

1

Fig. 3.30 (a) A prototype third-order elliptic low-pass RLC ladder filter, (b) OTA-C filter
obtained by table-based simulation (Adapted from [3.39]©IEE 1994)

obtained. Another difference is that in the operational simulation of leap-frog
ladder filters to obtain active RC filters, the node voltages realized are negatives
of those in the prototype. On the other hand, in the case of table-based simulation,
all the node voltages realized are the same as in the protype.

Note that circuit derivation may lead to complicated circuits in some cases.
For instance, realization of a source series arm of R in series with C as needed in
all-pole high-pass filters will be quite difficult.

Example 3.3 The third-order elliptic low-pass filter of Hwang, Liu, Wu, and Wu
[3.39] is considered. WINSPICE simulation results using the OTA macromodel and
Tsukutani CMOS OTA of Fig. E.3.2b are shown. Note that the OTAs have fixed
transconductance of 157 pS. The circuit inductance and capacitance are first-
impedance scaled accordingly and then frequency scaled. The effect of actual
OTA nonidealities results in peaking in the frequency response. Dual ouput OTA
is used, therefore the unused current ouputs are resistively terminated.

*Third order El11liptic OTA C filter of Hwang, Liu, Wu and Wu
G110085 .000157S

G2100010 .000157s

C4 100 15.3436pf

C54 08.9084pf
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G350104 .000157s
C6709.16408pf

C7601.87910pf

G74054 .000157s

G65060 .000157s

G57006 .000157S
G46075.000157s

vinl 8 0 ac 1v

.acdec 100 1k 5000k

*Using Tsukutani OTA

C14 40 0 15.2356pf

C1534 08.9084pf
C163709.164090pf
cl73601.87910pf

x1 vdd vss Ibiasl 8 35 40 NC1 doota
Ibiasl Ibiasl vss DC 100u

x2 vdd vss Ibias2 0 40 40 NC2 doota
Ibias2 Ibias2 vss DC 100u

x3 vdd vss Ibias3 40 34 35 NC3 doota
Ibias3 Ibias3 vss DC 100u

x4 vdd vss Ibias4 37 35 36 NC4 doota
Ibias4 Ibias4 vss DC 100u

x5 vdd vss Ibias5 0 36 37 NC5 doota
Ibias5 Ibias5 vss DC 100u

x6 vdd vss Ibias6 36 0 35 NC6 doota
Ibias6 Ibias6 vss DC 100u

x7 vdd vss Ibias7 35 34 34 NC7 doota
Ibias7 Ibias7 vss DC 100u

R11 Ncl1 0 1000K

R12 NC2 0 1000K

R1I3 NC3 0 1000K

R14 NC4 0 1000K

R15Ncl 0 1000K

R16 NC2 0 1000K

R17 NC3 0 1000K

vdd vdd 0 DC 2

vss vss 0 DC -2

.ACDEC 1000 100K 50000K

.subckt doota vdd vss Ibias vinp vinm iop iom
.PARAM 1n=2um, wn=4um

.PARAM lp=2um, wp=4um

M1 3 vinm Ibias vss CMOSN w={wn} 1={1n}
M2 4 vinp Ibias vss CMOSN w={wn} 1={1n}
M5 iom 3 vdd vdd CMOSP w={wp} 1={1p}
M6 5 3 vdd vdd CMOSP w={wp} 1={1p}
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M7 3 3 vdd vdd CMOSP w={wp} 1={1p}

M8 4 4 vdd vdd CMOSP w={wp} 1={1p}

M9 iop 4 vdd vdd CMOSP w={wp} 1={1p}

M10 6 4 vdd vdd CMOSP w={wp} 1={1p}

M12 55 vss vss CMOSNw={wn} 1={1n}

M13 iop 5 vss vss CMOSN w={wn} 1={1n}

M14 iom 6 vss vss CMOSN w={wn} 1={1n}

M15 6 6 vss vss CMOSN w={wn} 1={1n}

.ends DOOTA

.MODEL CMOSN NMOS ( LEVEL = 3 PHI=0.700000 TOX=9.6000E-09

+ XJ=0.200000U TPG=1 VTO=0.6684 DELTA=1.0700E+00 LD=
4.2030E-08

+ KP=1.7748E-04 U0=493 .4 THETA=1.8120E-01 RSH=1.6680E+01

+ GAMMA=0.5382 NSUB=1.1290E+17 NFS=7.1500E+11 VMAX=
2.7900E+05

+ ETA=1.8690E-02 KAPPA=1.6100E-01 CGDO=4.0920E-10 CGSO=
4.0920E-10

+ CGBO=3.7765E-10CJ=5.9000E-04MJ=0.76700CJsSw=2.0000E-11

+ MJSW=0.71000 PB=0.990000)

.MODEL CMOSP PMOS ( LEVEL = 3 PHI=0.700000 TOX=9.6000E-09

+ XJ=0.200000U TPG=-1 VTO=-0.9352 DELTA=1.2380E-02 LD=

5.2440E-08

+ KP=4.4927E-05 U0=124.9 THETA=5.7490E-02 RSH=1.1660E+00

+ GAMMA=0.4551 NSUB=8.0710E+16 NFS=5.9080E+11 VMAX=
2.2960E+05

+ ETA=2.1930E-02 KAPPA=9.3660E+00 CGDO=2.1260E-10 CGSO=
2.1260E-10

+ CGBO=3.6890E-10CJ=9.3400E-04MJ=0.48300CJsw=2.5100E-10

+ MJSW=0.21200 PB=0.930000)

.end

n¥ mag(v(34)) — nag(v(4))
600.0p----

FEe=TespesspeaEaE ey s spanaragege

4000 f-nmnmdomodonbobliiil Y

200, 0f-----d--mioni-i-

frequency Hz
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3.6.4 Current-Mode OTA-C Filters Based
on RLC Ladder Filters

Several current-mode techniques are available in the literature. All these
generally avoid the use of floating capacitors in innovative ways. These are
considered next.

3.6.4.1 Ramirez—Angulo and Sanchez-Sinencio Technique
for Realizing Current-Mode Filters

We first consider the technique due to Ramirez—Angulo and Sanchez—Sinencio
[3.40]. In this technique, first the equations at the various nodes in the prototype
RLC low-pass filter shown in Fig. 3.31a can be written as follows.

V-V 1 1 1
v1=< = ‘—12>?,12=(v1—v3)5,v3=(12—14)7,
: Sl S T 3.52)

1 Vs\ 1
Iy =(V3-Vs5)—, Vs = (14 ——— | —
i 2 Ve) o Ve = (1)

A signal flow graph (SFG) realizing these equations is presented in Fig. 3.31b.
From the SFG, the block diagram of Fig. 3.31c can be constructed easily. The
voltages in the SFG can be considered to be scaled by a resistance to yield currents

and are OTA-C-

N C,‘ N L,‘
based integrators of Fig. 3.31d with two current outputs. The transfer functions of
these integrators are

in the current-mode circuit. Note that the blocks shown

ot _ O (3.53)

The current directions are as shown. It is thus very straightforward to plot the
OTA-C filter from the block diagram. We can choose equal G,, s for all OTAs used
in the integrators and then the capacitances will be related to those in the prototype
through the relationship C’; = C,G,, or L,G,,. Of course, one can also choose equal
capacitors and different G,, values as well.

It is possible to realize finite transmission zeroes, for example, needed in elliptic
low-pass filters. As an illustration, a third-order low-pass filter with a pair of
transmission zeroes is shown in Fig. 3.32a together with its simulation block
diagram in Fig. 3.32b. The cross-coupling multiplier blocks C»/C; and C,/C3 will
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Fig. 3.31 (a) A protype fifth-order all-pole low-pass filter, (b) SFG describing (a), (c) block
diagram of current-mode filter derived from (b), and (d) two blocks used in (c¢) (Adapted from
[3.40]©IEEE1994)
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Fig. 3.31 (continued)
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Fig. 3.32 (a) A prototype third-order elliptic low-pass filter and (b) a current-mode filter derived
from (b) (Adapted from [3.40]©IEEE1994)
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realize the transmission zeroes. This can be appreciated by writing the node
equation at node A:

Vs _Vl

1

+12 +(V3 — V])SCZ = V] SC] (3548.)

which can be rewritten as

Vi—V 1 C
( s ‘Jrlz)s—+(v3—vl)—2=v1 (3.54b)

In the block diagram of Fig. 3.32b, the currents corresponding to V3 and —V;
are added by tying the current outputs and multiplying using a current mirror of
gain C,/C; and summed with the output current of the integrator block (1/sC).
Note that the block B is a single-input multiple-output current buffer (see
Fig. 3.31d) which can be realized by an OTA connected as a resistor with multiple
current outputs.

3.6.4.2 Wu and El-Masry Technique of Realizing Current-Mode
OTA-C Filters

The second technique we consider next is due to Wu and El-Masry [3.6] which is
based on coupled biquads. Wu and El-Masry have suggested two techniques based
on mesh current simulation and branch current simulation. Consider the prototype
general configuration of Fig. 3.33a redrawn for convenience from which using
mesh current simulation, we wish to derive current-mode OTA-C filters. In each
mesh, KVL (Kirchoff’s voltage law) is applied. As an illustration, in the mesh with
mesh current /;, we have

1 ]mZ
Iy Ly+—+R | -1y R — =0 3.55
1<S 2+sC3+ 1) 175G (3.552)
which can be manipulated to yield
SRI ]m2
ImD(s) =1, | — 3.55b
06) =1 (P + 3.55b)
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Fig. 3.33 (a) A protype RLC filter, (b) coupled biquad-based equivalent derived by mesh current
simulation from (a), and (¢) OTA-C filter derived from (b) ((a) and (c) adapted from [3.6]
©IEEE1998)

SR 1 1
where D(s) = | s +—— +
(5) ( L, L, C3>
This leads to the block diagram of Fig. 3.33b where there are two transfer
functions from each mesh current to the neighboring mesh currents. The two
transfer functions corresponding to (3.55a) can be seen in the first two equations
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in (3.56) which share the same poles and have different numerators. The remaining
transfer functions also are presented the first two equations in (3.56):

1 R R 1
ToiDi(s) = IiDl(S) = S<L_zl> when i = 0, Di(s) = 5* +SL_;JrLgCa
1 1
Ta1 Dy (s) :1—;D1(S) =5.c Whenin=0.
T12Ds(s) ]ZD() ! hen i3 = 0, Dy(S) = s> + !
§) =—=Dy(s) = when i3 = =3
1252 1,2 L4Cs 3 2 L4Cs s
I, 1 .
T3D;(s) = EDz(S) = L.C when i; = 0.
I 1 , R 1
Ty3Ds(s) = = Ds(s) = ——, Ds(s) = =2 3.56
23D5(s) 5 3(s) LCs 3(s) = +SL6 +L6C5 (3.56)

where C; s is the total capacitance of the second loop.

Thus, three current-mode biquads will be needed with low-pass and band-pass
current transfer functions as shown in the block diagram of Fig. 3.33b. One of
these biquads also needs to realize infinite pole-Q. Earlier we studied Wu and
El-Masry [3.6] OTA-C biquads (see Fig. 3.19a, b) which can realize low-pass as
well as band-pass transfer functions. Employing these, (3.56) can be easily
realized as shown in Fig. 3.33c.

We next consider the realization of low-pass filters with transmission zeroes.
Consider the third-order elliptic filter shown in Fig. 3.34a for which following
the same procedure, we obtain the current-mode OTA-C filter of Fig. 3.34b. The
various transfer functions are:

11 N

Top =—= : when i, = 0,
ln stme

)i _1
T21:—1:R‘7C‘1 when i;, =0
I, S+R7|C1
I Cx /
=7 =7 when 3 ’
I Co
Tro=—==K,=—"whenli =1 =0
22 A 2 C, when 1y 3
I C
T32:I—§:K3=C—2;Wheni1=i2=0
h ! 1+1+1 d note that k; + k, + k 1
where — = — + — + — and note tha =1.
C22 C1 C2 C3 l ? ’
I/ _1 1 _1_
T22,_2:L27C21,T23:_3: R2C31 (3.57)
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Fig. 3.34 (a) Third-order low-pass filter prototype with transmission zeroes, and (b) current-
mode OTA-C filter derived from (a) based on mesh current simulation ((b) Adapted from [3.6]
©IEEE 1998)

The advantage of the structure is that T ,, T»,, T3, need simple current amplifiers
since the mesh has only one type of circuit elements: capacitors.

We next consider the realization of a sixth-order band-pass filter shown in
Fig. 3.35a. In this case, we employ the branch current simulation technique. The
equations to be realized can be easily written as follows.

1% Vi=V I, —1 V,-V
ZR—1,12=17127V2=(2 41)7142 z =, LRy =V,
1 SLZ“‘E SC3+E SL4+E

L, — I,
(3.58)

These transfer functions can be realized using three biquads as shown in the
complete circuit of Fig. 3.35b. In the above synthesis, the voltages are considered
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a I, L, —»
M Vf_/W\f\_|
2
L, C, A
R, R,

Fig. 3.35 (a) A prototype sixth-order band-pass filter, and (b) OTA-C filter derived from (a) using
branch current siulation ((b) Adapted from [3.6] ©IEEE 1998)

as currents through a scaling resistance. On the other hand, different scaling factors
can also be used to obtain different final filter circuits.

3.7 Multiple-Feedback-Type OTA-C Filters

Sun and Fidler [3.41] have suggested the realization of high-order filters
using grounded capacitors and OTAs with one input connected to a grounded capaci-
tor. The general configuration for a fourth-order filter is presented in Fig. 3.36a.
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Fig. 3.36 (a) A multiple feedback all-pole OTA-C filter, (b) realization of transmission zeroes by
output summation, and (c) realization of transmission zeroes by input distribution (Adapted from
[3.41]©IEEE 1997)

Note that the inverting input of each OTA can be connected to the outputs of
other OTAs to the right. Thus, several options are possible. Denoting the connection
between the ith OTA input to the other outputs by a function f;; (i.e., with j > i), the
general transfer function can be written as
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H(s) = 1/(s411 T2 13 T4+ (11 T2 T3 fag +Ta T1 T2 f33 T3 Ta Tt fao +72 T3 Ta f 1))
+5 (110 12 (F33 Faa+30) + 71 3 Fon fag+71 T (Fon f33+523)
+truafufutttufsfuntnalnfatlin)
+5(t1 (oo fasfastfnfaatfoafatlou) +12(fiifrsfaatFifaa)

+ 03 (i fonfaatlfinfu) tta(fufnfstfufstfinfitiis)
tiunfnfufutfnfofutfnfulfstfnfsafa
i foutfiafautlinfatfia)

(3.59a)

where we have defined 7; = %2 . Of the 24 configurations possible, only 9 are
suitable for realizing all- pole ﬁlters One configuration yields a cascade of two
second-order filters and three others do not give solutions for Butterworth and
Chebychev approximations. The remaining structures degenerate to first-order filter
cascaded by third-order filter or third-order filter cascaded by a first-order filter.
As an illustration, the filter of Fig. 3.36a is defined by fi» = 1, 53 = 1, f34 = 1,
f44 = 1 so that (3.59a) becomes

H(s) = 1/(s4‘51 T3 T +S T T r3f44+32 (t1 o faut+t1 tafos++713 14 f10)

+5(t1 fo3 faa+73 12 f0a) Ff12f34) = 1/(5471 T3 TS T T T

+ 52 (t1 o471 Ta+713 14) +5(t1+13) + 1)
(3.59b)

Considering that a fourth-order Butterworth filter is desired with a denominator
of transfer function given by

D(s) = s* +2.61313 5" +3.41421 5> +2.61313 s +1

the various t; values can be found as

11 =1.53073, 1, =1.57716, 13 =1.08239 and 1, = 0.382683.

In some cases nonlinear equations need to be solved. The complete options for
various f;; are

@f=fa=fra=faa=10Ofu=fu=fra=faa=1,

©fiz=rfe=fu=fu=1LW@fiz=fzs=fu=fu=1,

©fis=fa=fu=fu=1Ofu=fo=fa=fu=1,

@fu=fa=fizs=fuu=10)fuu=fzs=fa=faa=1,

@ fia =foa = foa = faa = L.

It is possible to realize the transmission zeroes of a high-order filter transfer
function by using two techniques: output summation shown in Fig. 3.36b and input
distribution shown in Fig. 3.36¢ using additional OTAs. Note, however, the synthe-
sis is very cumbersome and hence is omitted here.
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Gy Gy,

G

m3
Tl e - Vin
I Gm3 C3 Vo
I Go Gup3

Fig. 3.37 A high-order voltage-mode OTA-C filter using dual ouput OTAs

3.8 Analytical Synthesis-Based OTA-C Filters

Chang, Al-Hashimi, Sun, and Ross [3.42] have described a high-order voltage-mode
OTA-C filter realization using grounded capacitors and dual-output OTAs. A third-
order filter derived using this procedure is presented in Fig. 3.37. This method needs
an nth-order filter in general (n + 2) OTAs and n capacitors. The OTAs Gy, — Gp3
realize the numerator coefficients, whereas the remaining OTAs and grounded
capacitors realize the pole-forming loop. The transfer function of this third-order
filter of Fig. 3.37 is given by

§°C1C2C38,3 + 57 (CoC3GpoGrma + C1C3Gp1 Gt + C1C2G Gy
Vo +S(C3GmleZGb0 + Cleleleo) + GbonleZGmo

Vin - S3C1C2C3gm3 + S2C2C3Gm3Gm2 + SC3Gm1Gm2Gm3 + Gmonle2Gm3
(3.60)

Note that from a given denominator transfer function, the G,,;3, G2, G,.1, and
G,., values can be calculated iteratively. Under the condition, G, = G;; = Gy
= 0, a high-pass transfer function is realized at V, whereas transfer functions with
s* and s terms in the numerator are realized across capacitors C; and C». Note that
by appropriate choice of signs of the transconductances of the OTAs Gy, G, and
Gya, negative terms can also be realized in the numerator.

A current-mode configuration for high-order OTA-C filters using grounded
capacitors due to Chang and Al-Hashimi [3.43] is presented in Fig. 3.38 for the
third-order case (for n = 3). Note that in this case, a front-end OTA with (n + 1)
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Fig. 3.38 A current-mode third-order OTA-C filter (Adapted from [3.43]©IEEE 2003)
outputs will be required together with (n — 1) OTAs and n grounded capacitors for

realizing an nth-order filter. The transfer function of this circuit can be derived as

+ Gmle2Gmo([3 - [0)
$3C1C2C3 4 52C1C2Gpp + SC1G i1 Gz + Gt Gz Go

<S3C1C2C313 + 52C]C2Gn12(13 — 12) + SC]Gmle2(13 — 11) >
(3.61)

Low
]in

Note that in this case also, from a given denominator transfer function, the G,,,3,
G2, G, and G, values can be calculated iteratively. For realizing a third all-pass
transfer function given by

@:s3a—s2b+sc—d (3.62)
I, sPa+s?b+sc+d

we need to choose I; = 0,1, =1, = 2[;,,and I3 = [,,,.

The analytical synthesis technique can be extended to realize band-elimination
filters also. An architecture due to Tu, Chang, Ross, and Swamy [3.44] is presented
in Fig. 3.39a. As an illustration, a third-order elliptic filter can be realized using this
circuit needing four OTAs and three grounded capacitors. Three of these need dual-
current outputs. The transfer function of this filter can be derived considering all
capacitors as unity, as

I, G2 (5°C2C3 4 Gu3Gua) (3.63)
Iy $3C1C2C3 + 52G 1 C2C3 + 5C3G Gz + GrinGrzGona ’

Evidently, a third-order elliptic transfer function can be realized. The transmission
zeroes are controlled by G,,; and G,,,4 whereas the poles are also dependent on these
transconductances, in addition to G,,; and G,,;;. Tu, Chang, Ross, and Swamy [3.44]
have expressed the desired transfer function as
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a

_>

Iin

Gml
b
ag/a,
Iin
Gm4
G
:|: Jj bo/ a

Fig. 3.39 (a) A OTA-C current-mode third-elliptic filter, and (b) a fourth-order elliptic current-
mode OTA-C filter (Adapted from [3.44]©IEEE 2007)

I, s?by + b,
0 _ 3.64
Iin  S3as + s2ap + sa; + a, (3.64)

so that the various G,, values (considering C; = C, = C3 = 1) will be

aj da,
77Gm2:77Gm3:73ndGm4:*~
as as by a

a, = bomal =
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L Vout

(Gb

Fig. 3.40 Third-order voltage-mode OTA-C all-pass filter due to Chang, Hou, Chung, Horng, and
Tu (Adapted from [3.45] ©IEEE2006)

Note that in the fourth-order case some simplification is feasible as shown in
Fig. 3.39b. The transfer function of this circuit is given by

~

o 5*C,C1C2C3 + 5*C2C3G 11 (G s —Gma) + Gt G2 Gz (Gins — Goa)

I~ $*C,C1CoC5 +5°C1C2C3Gm1 + 2C2C3G 1 Gt + SC3Gm1 Gz Gons + Gt Gz Gz Gons

(3.65a)
The desired transfer function is
1_(, _ S4I’12 + Sz(az — bz) + (ao — bo) (3.65b)
Iin s* 4+ s3az + s2ap + sa, + a,

The various G,, values are as shown in Fig. 3.39b.

Chang, Hou, Chung, Horng, and Tu [3.45] have described another technique of
realizing voltage-mode high-order all-pass and band-reject-type OTA-C filters
using grounded capacitors. A third-order all-pass filter is presented in Fig. 3.40.
Note that in this case the denominator is realized by the multiple-output OTA G,
whereas the zeroes are realized by feeding currents into various internal nodes
using the multiple-output OTA G,. The transfer function of this circuit can be
derived to be

Vin - _G_h

Vo G, <S3C1C2C3 — 5*C1C2Gm3 + SC1G Gz — Gt GraGos

= 3.66
53C1C2C3 + SZCICZGmf% + 5C1Gp2Gpz + GmleZGmS> ( )
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Interestingly, some of the terms in the numerator can be made zero as needed
for band-reject filters by not feeding the appropriate output of the OTA G, to
the internal nodes. Note that the gain can be scaled by using the ratio G,/Gy.
Note also that the poles and zeroes are realized by the same time constants
avoiding the matching conditions needed. However, the inequality of various
current outputs will lead to errors in the coefficients in the numerator and
denominator.

3.9 Effect of OTA Nonidealities

In practice, the OTA nonidealities affect the performance of the OTA-C filters.
We consider the effect of these nonidealities on typical biquads next. The sensitivity
of the pole-frequency and pole-Q for the biquad of Fig. 3.21b can be seen to be low
with respect to all G,, and capacitor values. Taking into the various input and output
impedances of the OTAs, the denominator of the transfer function can be shown
(after neglecting s term and terms of the order of C;C 'jinvolving parasitics only) to be

$?(C1C2(Gp + Gy + Ge) + G 1 (C1C, + C2Ch))
+ S(Gm2GmS (Cl + Cc) + Gml (Gacl + GhCZ)) + Gn12Gm3 (Gml + G() (367)

where

Gi=Gp+Gp3,Ci=Cip+Cp3,G, =Gz + G, Cp = (Cis + Cr2),
Ge = Gi1 +Go1 +Gp4, Co = Cit +Co1 +Co4,Ga = Git +Gis + Gos,  (3.68)
Ci=Cii+Cis+Cp

It can be seen that the pole-frequency and pole-Q are slightly affected by the
parasitic capacitances and output impedance of the various OTAs.

Taking into account the finite bandwidth of the OTA (using (3.2) with w,, =
w.; = o0), the realized denominator of the transfer function can be shown to be

5'C1Cy1013G 1 + 57,1 C1Ca2 (T2 + 13) + 57 {G10C1Ca + GraoGrizoCi71 }
+ 5(Gp20Gm30C1) + (Gmio0Gm20Gm30) (3.69)

where 1; = 1/w,;
Evidently, the pole-frequency and pole-Q are affected by the bandwidths of the
OTAs:

w, 110, ,0,
Y= 1+— = =1— (10 +13)0,0 (3.70)
o'y 0, o0, (2 + )0y
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where the primes indicate the perturbed values. Note that these results are obtained
by neglecting the s* term in (3.69) and substituting s° = —sw,” based on the well-
known Akerberg—Mossberg approximation so that that the third-order system
becomes a second-order one.

We next consider another OTA-C biquad of Fig. 3.21c. The sensitivity of
the pole-frequency and pole-Q can be seen to be low with respect to all G,
and capacitor values. Taking into account the various input and output
impedances of the OTAs, the denominator of the realized transfer function can
be shown to be

D(s) = s*(C2(C'p + C1) + C1C,) + 5(C2G'y + C1Gy + C2Gr + CuGni)
+ GmZGm3 + GmlGa
(3.71)

where

Gy =Gt + G+ Go1 + G+ Go3,Ga = G + G2, Gy = Giy + Gig + Goa,
C'h=Cit+Cosa+Co1 +Cin+Cp3,C =Ci3+ Cp2,Cqa=Cit + Cis + Co4
(3.72)

It can be seen that the pole-frequency and pole-Q are slightly affected by the
parasitic capacitances and output impedance of the various OTAs.

Taking into account the finite bandwidth of the OTA, the realized fifth-order
denominator of the transfer function can be seen to be

5T1T2T3 4 (112 + 1213 + 1379) 3(T1+T2+7T3 1273
s 5 + s > + s 5 +
(@) W, w;, wp0,

I I
ts? —2+M Y LI (3.73)
a)p (Upr (’UPQP

Evidently the pole-frequency and pole-Q are affected by the bandwidths of the
OTAs:

5=14 (12 + 7:3)% (3.74a)
o

and

@pQp
w’,, Q,p

=1 - 0,0p(12 + 13) — T30, (3.74b)
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Fig. 3.41 Techniques for
frequency compensation

of OTA-based integrators:
(a) using a resistor in series
with integrating capacitor,
(b) using a composite OTA
employing feedforward, and
(c) using a resistor in series
with the integrating capacitor

R,

Some techniques for compensating for the finite bandwidth of the OTA in
integrators have been suggested. In one method [3.46], [3.2] shown in Fig. 3.41a,
a resistance can be inserted in series with the integrating capacitor. The resulting
transfer function considering the output capacitance and resistance of the OTA, can
be derived as

1+SC(R fi)

v, 27 G

_ e (3.75a)
Vi e sC(Ri R g ) 2 SO

Note that the first term in the denominator is very small thus simplifying (3.75a) as

Vo_ 1+SC(R276%,,)

V. Ri+R, 1 C, C,(Ri+Ry)
: SCRi\1 + %6k, T &G, T rica, TSR,

(3.75b)
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Evidently under the condition, the “s” terms in the numerator and denominator
in (3.75b) are equal, an ideal integrator can be realized. This yields R, as the
solution of the quadratic equation

1+GuR 1 1 (1+G,R C,\ C.R
R§+R2(T'+Rl —G—) -~ (G— (G—‘+R1+CC‘;’ ) + C“Gl) =0

(3.76)

Several authors [3.47, 3.48, 3.49] have suggested the use of composite OTAs
using feedforward compensation in place of the OTA of Fig. 3.41a as shown in
Fig. 3.41b. In this case, in place of G,, in (3.75a), we need to substitute

Gmle2
G,=G3+—"—"-— 3.77
> Gy + 5Coi 77

where R,1(= 1/g,1) and C,, are the output resistance and output capacitance of the
transconductance block realizing G,,;. Note also that the output impedance of
the G,,» block and G,,; block are already considered in the output resistance and
capacitance in Fig. 3.41a. The resulting transfer function of the integrator can be
derived as

1 G C
7Gm4(1+SC(R2*7+ 3‘[) +52 ! (RZGm371))

V() Gm4 Gm4C Gm4

i a 2C,
v 253TCC0(R1+R2)+52 (TC(1+2G0(R1+R2)+ C >+2CC0(R1+R2)+G,,,3CR1‘C)

2C
—|—s<2G0‘c+C<1 +2G,(R1+R>) + C") +CRle4> +2G, (3.78)

where g, = 8,3 + &1 8mKo1. The value of R, needed for phase cancellation can
be derived as

Ry yzZ—x
R+ — 2 — 1) —2C, = )
2 + 2CG0 (y + Go(z T) C() + <2C2Go> 0 (3 79)
where
2C,
X = ‘EC(I + 2G,R, + C ) + 2CC,R| 4+ G,,3CR 7 (3.80a)

2C,
y=2G,7+ C(l +2G,R1 +5 ) + CR\Gos (3.80b)
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and

Gm3‘L' -C
= 3.80
: Gm4 ( C)

Another technique of passive compensation of the intrinsic phase lag of the OTA
[3.2] is presented in Fig. 3.41c. The realized transfer function is obtained as

Vo _ Gu(l+5CR) 38D

Vi so(1+2)

Thus the condition for compensation is w; = C+€1 . Note, however, that this
technique does not compensate the effect of the finite output resistance and capaci-

tance of the OTA.

3.10 OTA-C Oscillators

Several OTA-C oscillators have been proposed in the literature. These can be
considered to be derived from OTA-C filters by removing the damping in a two-
integrator loop or by adding positive feedback through the use of a negative
resistance realized using OTAs. These are considered next.

The OTA-C oscillator of Fig. 3.42a realizes poles defined by the equation

s2(C1Cy + C2C3 + C1C3) + 5C1(Gpi — Gpa) + GpiGpa = 0 (3.82a)

Evidently, C; or C; can be zero leading to two oscillator structures described by
Abuelmaa’tti [3.50]. The condition for oscillation is G,,; = G,,». We next consider
an oscillator due to Senani and Amitkumar [3.51] shown in Fig. 3.42b which is
obtained from a Wien bridge oscillator. The OTAs G,,; and G,,3 realize resistors.
The OTA G,,, and the resistor R, realize a voltage amplifier. The realized poles are
given by

s*C1Ca + 5(C2 (Gt + Gps — GuaGaR,) + C1G3) + Gi Gy =0 (3.82b)

Note that R, needs to be realized using another OTA. The condition for oscilla-
tion can be derived for G,,; = G,,3 and C; = C, as G,,R, = 3. Consider another
oscillator due to Senani [3.52], shown in Fig. 3.42c whose poles are given by

$2C1Ca + $(C1Grz — C2Gpp) + Gy Gy = 0 (3.82¢)

Senani, Tripathi, Bhaskar and Banerjee [3.53] have described five more
oscillators. The oscillator of Fig. 3.42d realizes poles given by



Fig. 3.42 OTA-C oscillators: (a) due to Abuelmaatti [3.50], (b) due to Senani and AmitKumar
[3.51], (¢) Senani [3.52], (d)—(h) Senani, Tripathi, Bhaskar and Banerjee [3.53], and (i) Linares-
Barranco, Rodriguez-Vazquez, Sanchez-Sinencio and Huertas [3.54] ((a) Adapted from [3.50]
©IET1989, (b) adapted from [3.51] ©IET 1989, (c) adapted from [3.52] ©IET 1989, (d)-(h)
adapted from [3.53] ©IET 1990)
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m3

m2

Fig. 3.42 (continued)
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m5

Fig. 3.42 (continued)

$*C\Cy +5C2(G,,; — Gua) + GGz = 0 (3.82d)
The oscillator of Fig. 3.42¢ realizes poles given by
§2C1Cy + 5(C1(Gpa — Gp3) — C2G 1) + GGz = 0 (3.82e)
The circuit of Fig. 3.42f realizes poles given by
§?C1Cy 4 5(C2G i — C1G) + GpaGrz = 0 (3.82f)
On the other hand, the circuit of Fig. 3.42¢ realizes poles given by
s*C1Cy + 5(C1Gua — C2Gm1) + Gpia (G — Gpt) = 0 (3.82g)
In another OTA-C oscillator shown in Fig. 3.42h, we have the poles given by
$*C1Cy + 5C1(G3—Ga) + G Gz = 0 (3.82h)
Linares-Barranco, Rodriguez-Vazquez, Sanchez-Sinencio, and Huertas [3.54]

have described five OTA-C oscillators that can be derived from the general circuit
of Fig. 3.42i. The realized poles are given by
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s*((C; 4+ C3 4 (1 = 2)Cy)(Ca2 + (1 = B)Cs) + C3(Cy + (1 — 2)Cy))
. S<C3(Gm2Gm1) —(C34+C, + (1 = B)C6)(Gz — G s + och7)>
+ (BGmo + Gua) (C5 + C1 + (1 — 2)Cy)
+ GmiGra + (Gus — Gz — 6Gr7) (PG + Gog) = 0 (3.83)

The various cases are:

@ G6u3=6u=Gu=Gu=G,7=0andC4, =C5=Cs=C7;=0
(b) Gm4:Gm5=Gm6:Gm7:0andC4:C5:C6=C7=C3=O
(C) Gm5=Gm6:G,,,7:0andC4=C5:C6:C7:C3:O

d G =G =G =0andC4, =Cs =Ce =C7;=C3=0

(e) Gm3:Gm4:Gm5:0andC1:C2=C3=0

The condition for oscillation and frequency of oscillation can be determined
easily from (3.83).

The basic principle of all these oscillators is that the poles be defined by an
equation of the form s° + bs + ¢ = 0 where the value of b shall be such as to
cancel the positive terms that may arise because of the finite input and output
resistances of the OTAs. Even though the two lossless integrators in a negative
feedback loop can realize ideally a sinusoidal oscillator, the parasitics may shift the
poles to the left half of the complex plane. Hence a degree of freedom shall exist to
bring them onto the imaginary axis of the complex frequency plane.

In practice, oscillators need to have an amplitude control loop or have native
amplitude limiting by exploiting the nonlinear behavior of OTAs. The reader is
referred to [3.55, 3.56, 3.57] for information on these designs.

3.11 Derivation of Voltage-Mode OTA-C Filters from Active
RC Filters and Current-Mode OTA-C Filters from
Voltage-Mode OTA-C Filters

It is possible to derive voltage-mode OTA-C filters from active RC filters by using
the nodal voltage simulation technique [2.41]. As an illustration, consider the
voltage-mode Sallen—Key second-order high-pass active RC filter of Fig. 3.43a.
The node voltages can be written at nodes x and y as

(Vo B VX)

(Vi = Va)sCr + (Vo = Va)sCy +
1

=0 (3.84a)

1%
(Vi —=V,)sCy = R—” (3.84b)
2
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Fig. 3.43 (a) Sallen and Key second-order low-pass filter, (b) OTA-C filter derived from (a), (c)
Sallen and Key high-pass filter, and (d) OTA-C filter derived from (c) ((b) and (d) Adapted from
[3.4] ©IEEE 1985)

The circuit of Fig. 3.43b implements exactly these equations. Note that
G,1 = 1/R; and G,,» = 1/R,. However, the matters may not be that simple in the
case of other active RC filters. As an illustration, consider the Sallen—Key second-
order low-pass active RC filter of Fig. 3.43c. Proceeding in a similar manner, the
circuit of Fig. 3.43d can be obtained wherein a buffer opamp will be needed to
provide the needed isolation. The reader is urged to derive in a similar manner,
OTA-C filters from other active RC filters. In some cases, the number of capacitors
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needed may be more as well as the number of OTAs. In addition, some matching
requirements on OTAs and capacitors may be present.

It is possible to derive current-mode OTA-C filters from active RC filters
directly using Ahmed, Awad, and Soliman’s technique [3.58]. As an illustration,
consider the KHN active RC biquad presented in Fig. 3.44a. The equations at
various nodes can be written easily as follows.

sC1Vgp = =G1Vup, sC2Vip = =G2Vep, G3(Vi = Vioren)
= G4(Vn0tch - VBP); GS (VLP - Vnotch) = G6(Vnotch - VHP) (385)

The first step is to substitute in place of various node voltages V;, node currents /;
yielding the following equations.

GIIHP _GZIBP

Cl]BP = - ; C21LP =

) G3 (II - Inotch)

= Gua(lpoten — I8p), Gs(Irp — Lnoten) = Go(Inoten — Iup) (3.86)

oy —CG A _CG A _CC A _CC A G A G A._C
R Def(‘l;lznngCl—Gl,Cz—.GZ,G1—Cl,Gz—Cz,Gs—G_X,Gét—(;NGS—G5 and
Ge = G (3.86) can be rewritten as

1 / 1 / 1 / 1 !
~dpp = — = 1tHPy, & {LP — — —=~ 1BP;

Gl SC1 G2 SCz

1 1 1

GA_4[1101(‘11 = _GA_3 (]i - Inot(rh) + GA_4]BP7 (3.87)

1 1
~ [HP =~ = (Im)tch - ILP) + A_Inat(,'h
6 5 6

These equations can be easily realized using OTAs with multiple current
outputs. Note that the OTAs realize the currents (Igp — Luoien), Isps (Inp — Lnoten),
I;p from which other currents are obtained by adding the appropriate mirrored
output currents as shown in Fig. 3.44b. As an illustration, I;p — I,,oich Needed in
(3.87) is obtained as

Itp — Lioien = Iep — Lnoren — Ipp + I1p (3.88)

Evidently, the filter needs two grounded capacitors and same number of OTAs as
in the original active RC filter but OTAs have several current outputs. It may be
noted that the KHN biquad can be designed using Gs = Gg in which case the circuit
can be simplified as shown in Fig. 3.44c. Note that from (3.86), under the condition
G5 = Gg, we have

(G3 + Gs)

21 notch )

= G3l; + Gulpp, Inup = 2yoren — Irp (3.89a)
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— Vip

—> INolch

Inp

) . H
I,
1

1

Fig. 3.44 (a) KHN active RC biquad, (b) current-mode OTA-C filter derived from (a), and
(c) simplification of (b) when G5 = G4 (Adapted from [3.58] © Birkhauser 2006)
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Cc
T
+ \ —> Iy
Iyp +
T e . N
3 T
* 2INolch - -
Fan M T o7 |
ml I + ILP
"
o [Fsn.
Fig. 3.44 (continued)
Defining Gg = g—z, 64 = g—j R GS = fo; , (3.87) reduces to
1 1 1
2]norch = = A_Ii + A_IBP (389b)
Gs G3 4

The reader is urged to apply the technique to the Friend’s biquad which may lead
to the need for more capacitors.

It is possible to generate current-mode OTA-C filters from voltage-mode OTA-C
filters using the transposition principle [3.59, 3.60, 3.61]. In this method, the voltage
input is grounded and the output current flowing to ground at this terminal is tapped.
The input current is fed at the output voltage terminal. Furthermore, all the OTAs are
reversed in the sense that the out terminal will be the new input voltage terminal of
the OTA with the other input of the OTA grounded. The input voltage terminal will
be the OTA output current terminal. As an illustration, consider the differentiator of
Fig. 3.4d redrawn in Fig. 3.45a. The new current-mode filter is as shown in
Fig. 3.45b. Next consider the voltage-mode first-order all-pass filter of Fig. 3.45¢
and its transpose current-mode filter derived as shown in Fig. 3.45d. As another
example, a voltage-mode OTA-C biquad and its current-mode version are shown in
Fig. 3.45¢, f, respectively. The technique can be applied to oscillators as well.
Consider the two OTA-C oscillators of Abuelmaa’tti [3.50] of Fig. 3.45g, h of
which one can be derived from another.

3.12 Distortion in OTA-C Filters

Transconductors generally have higher bandwidth than operational amplifiers and
can be tuned electronically and lead to simple circuitry. The transconductance of
the OTA is the transconductance of the driver transistors and can be varied by bias
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Fig. 3.45 (a) Voltage-mode OTA-C differentiator, (b) current-mode differentiator derived from
(a), (c) voltage-mode first-order all-pass filter, (d) current-mode OTA-C first-order all-pass filter
derived from (c), (e) voltage-mode two-integrator loop OTA-C biquad, (f) current-mode filter
obtained from (e), (g) OTA-C oscillator, and (h) another OTA-C oscillator obtained by transposi-
tion ((a)—(g) Adapted from [3.64]© Birkhauser 2003)
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Fig. 3.45 (continued)

current. The advantage of using the differential structure shown in Fig. 3.46a is that
the linearity of the output signal is improved due to the absence of even-order
distortion. There is a tradeoff between linearity and speed in the design of the OTA.
Gain, noise, and speed are affected, for example, by using emitter/source degener-
ation and the linearity is improved. Transconductances can operate at very high
frequencies but distortion of the output signal can be considerably high.

Theoretically, the transconductance remains constant irrespective of the input
voltage. However, in practice, this is true only for small input voltages. In other
words, the output current is not linearly dependent on the input voltage. This will
result in output distortion and amplitude-dependent transconductance. Thus, the
input voltage must be kept small enough so that the transconductor exhibits linear
V-I conversion.

The transconductance typically can be expressed as

Gm Vin :
Gp=Gput/1— <7| |> (3.90)
2Ipias

where |V,~,1| is the amplitude of the input signal, and G,, the small-signal transcon-

ductance equals |/k'Igas(%). Hence when V;, is much smaller than 2/p;4/G,,, the
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Fig. 3.46 (a) A simple CMOS OTA, (b) noise model of the OTA, (c) voltage-mode biquad used
for noise analysis. and (d) a current-mode OTA-C biquad used for noise analysis ((¢) and (d)
Adapted from [3.62] ©IEEE1998)
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d

Fig. 3.46 (continued)

transcondutance gain is independent of |V,-n|. Under these conditions, the third
harmonic distortion can be found as

W\, |2 22
HD; :7k (L)‘Vm| E/L—

391
Dlgas 32 (3.91a)

where 1 = Iim's and /,,, is the amplitude of the output current. Thus it can be seen

that A plays an important role in deciding the distortion in the output current of the
OTA. In addition to bias current, the supply voltage also plays a role in the linearity
of the circuits. When the supply voltage is small, the signal may get clipped and
distorted. In biquads, however, the relation of bias current to output current is the
main cause of distortion.

In the case of OTAs realized using bipolar transistors, for small input signals,
G=G,= 2’;—7‘5 and the third harmonic distortion is given by

(%)2 S (3.91b)

HD; = ~
2 "3

3.13 Noise Analysis of OTA-C Biquads

Transconductors have inherent noise that can be modeled as a noise voltage source
in series with the input terminal and a noise current source to ground to the input
terminal as shown in Fig. 3.46b. The noise can be expressed as
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8 G kTAw

2 m3

=—(1 3.92
Vi 3( +G,,,1> G (3-92)

where G,,; is the transconductance of the driver transistor and G,,3 that of the load
transistor (see Fig. 3.46a), k is Boltzmann’s constant, and T is absolute temperature.

The total noise of the OTA of transconductance G,, can be expressed as voltage
and current noise given by

kTAw
2
=, 3.93
V=G (3.93a)
and
kTG, A
2= yiT‘“ (3.93b)

where 7y, and 7; are voltage and current noise factors, respectively, and are usuall
greater than unity. For the circuit of Fig. 3.46a, v; =0 and 7y, = % 1+ (G;—'”? .
Moreover, 7y, is always larger than 7;.

It is useful to derive the total noise first of a second-order OTA-C voltage mode
filter [3.62] shown in Fig. 3.46¢ wherein all the relevant voltage and current sources
are shown. Routine analysis yields the transfer functions at the band-pass and low-

pass outputs as

7SC2 (InZ +I;13 + VnSGmS + Vn4Gm4 + V1 Gml - ViGnll) + i"4G’"4 + v”2Gm2G’"4
§2C1C2 4+ 5C2G 3 4+ GriaGoa

Vpp=
(3.94a)

and

— Vmelez + i,14 (SC] + Gm3) + (inZ + il73)Gm2
52C1 C2 + SCZGmS + GmZGm4

( SCI VnZGmZ + Vi3 GmZGm3 + Vn4Gm2Gm4 + Vi Gml Gm2 + VnZGmZGm3 )
Vip=

(3.94b)

Assuming that the contribution of the noise current sources is negligible compared
to noise voltage sources, it is first necessary to find the squared magnitude of the
various transfer functions of the noise sources v,1,v,2,v,3, and v,4 to the output.
These can be seen to be low-pass and band-pass types only. The integrals of the low-
pass and band-pass transfer functions already have been derived in Chap. 2 and turn
out to be Q,mw,/2 (see (2.136a) and (2.136b)). Using these together with the
expressions for the spectral density of noise voltage sources of OTAs given in
(3.93), we obtain the total noise as
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V2 &)
—kT— — 4+ — (.G G G 3.95
Vier =56 (Gm2+Gn,sz4cl (3G + 724G 71 ‘) G-

and

m y2C1 Gr2nB ( 72 73 Va ylel
V2= kT2 | 22l s (12 13 ) M T 3.95b
e =36, <Gm4cz G2 \Gos  Gus) G | G (3:950)

For the choice of components C; = C», G,,o = G4, G3/G s = 1/0, we have
from (3.95),

kT kT ¥ "G,
vi,BP = 2—C2VVBP = 2—Cz (Vz + (é + 4+ é;m4 )) (3.96a)
and
kT kT 1 "G,
V%,LP = Z—CZ%LP =20, (Vz +—= 0 5 (72+730) + 74 + é;m ) (3.96b)

It is thus evident that the total noise is inversely proportional to the integrator
capacitance. If the assumption C; = C, is not used, in place of C; in (3.96), we will
have vV C 1 C 2.

We next examine the power dissipation of the OTA-C filters. Considering the
OTA-C filter of Fig. 3.46c, the power dissipation can be written as the sum of the dc
power dissipation of all four OTAs. The low distortion requirement stipulates that 4,
defined earlier, that is, the ratio of I, to the maximum output current /,,,, shall be
very small. The power dissipation thus can be expressed as

ilwax _ Vb
PD = Z Voo = ; i (3.97)

These maxima |/, occur approximately at the pole-frequency for high pole-Q
designs. Denoting |V;,| as the amplitude of the input signal, these are, respectively,
as follows.

1 |max = [VinlGmi (3.98a)
’H Gm
o = |Vin| 22222 (3.98b)
13| max = [Vin|Gumi (3.98¢)
. 1
sl max = [Vin|Got if O <—= (3.98d)

V2
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Gle . 1
— if > — 3.98e
= i 0> (3.98¢)

402

alpax = |Vin

max

Thus the total power dissipation can be obtained as

VDD GmZ . 1
PD == ViGi | 3 f O<— 3.99
7 1 ( + Gm3> if O NG (3.99a)
and
Vb G 0 ) 1
PD——V,Gul|l24+—"+——| if > — 3.99b
A ! Gm3 1 — 4&2 0 V2 ( )

We finally consider the dynamic range of the OTA-C filter. The minimum signal
level that the filter can handle is decided by the biquad noise, whereas the maximum
signal level is decided by the acceptable THD (third harmonic distortion):

ignal |? 2
DR ,sirup = Isignallug;ryan/2 (3.100a)

noise?

where |signal|2 ao%THD 18 the magnitude of the output signal when its THD reaches
n%. Hence for low-pass output, DR can be obtained as

veel*/2
2

ViPn

DR = (3.100b)

It is interesting that a relationship between speed (implying capability to realize
high pole-frequencies), power dissipation, and dynamic range can be found from
(3.96b), (3.99b), and (3.100b) as

DRKTV? 7y, Gn\> G2
pp? — e (3+i2> md (3.101)

/12 Gm3

Note that the pole-frequency is implicit in Cy, C,, and G, values and that PD*
can also be expressed in terms of DR and 7}, zp.

The analysis of the current-mode filter of Fig. 3.46d can be carried out in a
similar manner. Note that in this case, the OTA G,,; is not present. In addition, the
node voltages are converted into currents using the OTA G,4. This is a wideband
device and hence the noise needs to be integrated over the frequency band of
interest. Detailed analysis shows that the voltage-mode filter is superior to the
current-mode filter. The reader is referred to [3.62] for more information.
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Example 3.3 Analyze the noise of the OTA-C biquad of Fig. E.3.1 with C; = C,
= 10 pf and C; = C, = 50 pf and appropriate G,, values to realize the same pole
frequency and pole-Q.

*OTA C two integrator loop noise analysis
gml 20 11 0 628.57umho

gm3 3 00 31 628.57umho

gm4 2 0 41 0 628.57umho

gm2 2 00 21 62.857umho

C120 10pf

C230 10pf

*oeml 2 0 11 0 3142.85umho

*em3 3 0 0 31 3142.85umho

*om4 2 0 41 0 3142.85umho

*em?2 2 0 0 21 314.285umho

*C1 2 0 50pf

*C2 3 0 50pf

Xnoisel 1 11 0 Noisesources

Xnoise2 2 31 0 Noisesources

xnoise3 3 41 0 Noisesources

xnoise4 2 21 0 noisesources

.subckt noisesources in out grnd
V1580dc0.1

V2600 dc 0.1

D1 58 59 DIODE

R30590726.4

D2 60 61 DIODE

R31 6107264

E1l in out 59 61 1

V176200

R32 62 073.6

FN1 out 0 V17 1

.ends noisesources

vin10acO

.noise v(3) vin dec 10 0.5 50000000 1
.MODEL DIODE D(AF=1.0,1S=0.001F,KF=1.667E-9)
The results with 10pF capacitors and the noise spectrum are as follows:
onoise_total = 2.914011e-07
onoise_total_d:xnoisel:dl = 2.879963e-15
onoise_total_d:xnoisel:d1_loverf = 2.877193e-15
onoise_total_d:xnoisel:d1_id = 2.770007e-18
onoise_total_d:xnoisel:d1_rs = 0.000000e+00
onoise_total_d:xnoisel:d2 = 2.879963e-15
onoise_total_d:xnoisel:d2_loverf = 2.877193e-15
onoise_total_d:xnoisel:d2_id = 2.770007e-18
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onoise_total_d:xnoisel:d2_rs = 0.000000e+00
onoise_total_d:xnoise2:d1 = 1.425000e-15
onoise_total_d:xnoise2:d1_1loverf = 1.422244e-15
onoise_total_d:xnoise2:d1_id = 2.756068e-18
onoise_total_d:xnoise2:d1_rs = 0.000000e+00
onoise_total_d:xnoise2:d2 = 1.425000e-15
onoise_total_d:xnoise2:d2_1loverf = 1.422244e-15
onoise_total_d:xnoise2:d2_id = 2.756068¢-18
onoise_total_d:xnoise2:d2_rs = 0.000000e+00
onoise_total_d:xnoise3:d1 = 2.879963e-15
onoise_total_d:xnoise3:d1_loverf = 2.877193e-15
onoise_total_d:xnoise3:d1_id = 2.770007e-18
onoise_total_d:xnoise3:d1_rs = 0.000000e+00
onoise_total_d:xnoise3:d2 = 2.879963e-15
onoise_total_d:xnoise3:d2_loverf = 2.877193e-15
onoise_total_d:xnoise3:d2_id = 2.770007e-18
onoise_total_d:xnoise3:d2_rs = 0.000000e+00

v — onoise_spectrum
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3.14 Problems

P.3.1. It is possible to compensate the finite frequency dependent G,, of an OTA
by using partial positive feedback using another OTA [3.63] as shown in
Fig. P.3.1. Analyze the circuit and determine the condition for phase
compensation.

P.3.2. Analyze the oscillators shown in Fig. 3.42 taking into account the finite
output impedance of the OTAs. Derive the condition for oscillation and
frequency of oscillation.

P.3.3. The table-based simulation technique of Hwang, Liu, Wu, and Wu [3.39]
does not include floating capacitor simulation. Suggest solutions for
realizing an OTA-C filter from the prototype ladder filter of Fig. P.3.3.

P.3.4. Analyze the effect of OTA output resistance and capacitance on the perfor-
mance of OTA-C filters of Fig. 3.6a—c.

P.3.5. Derive a voltage-mode OTA-C filter from Friend’s biquad of Fig. 2.11a and
discuss the limitations/advantages.

P.3.6. Suggest methods of scaling the OTA-C filter of Fig. 3.6a for optimal
dynamic range.

P.3.7. Derive a current-mode OTA-C fiter from Friend’s active RC biquad of
Fig. 2.11a using the technique of Ahmed, Awad, and Soliman [3.58].

P.3.8. Analyze the sensitivities of a fourth-order OTA-C filter realized using the
technique of Fig. 3.36a.

P.3.9. Analyze the effect of mismatch of current mirrors used to obtain multiple
output currents on the performance of the OTA-C filter of Fig. 3.16.

P.3.10. Analyze the effect of finite output resistance and output capacitance of the
OTAs on the performance of the first-order circuits of Fig. 3.4.
P.3.11. Analyze the effect of nonideal OTA on the performance of the first-order
all-pass filters of Fig. 3.5¢—j. Use SPICE to verify your results.
Gma
Vi }
NI
Vv, -
Gmb
Fig. P.3.1 +
Fig. P.3.3 \'2 I I . v,
R, C,
L, Ly

Rp
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P.3.12. Analyze the effect of the frequency response of OTA on the pole-frequency
and pole-Q of the OTA-C filter of Fig. 3.16.

P.3.13. Derive an OTA-C filter from the third-order elliptic filter prototype low-
pass filter showing all component values. Analyze the effect of parasitics of
all OTAs using SPICE.

P.3.14. Using SPICE, compare the OTA-C filter of Fig. 3.30b with that of
Fig. 3.28d.

P.3.15. Derive OTA-C filters not needing buffers from the circuit of Fig. 3.43d.

P.3.16. Derive an OTA-C filter from Bach’s active RC filter of Fig. P.2.13 using the
nodal voltage simulation technique.

P.3.17. Derive a voltage-mode OTA-C filter from the KHN active RC biquad using
the nodal voltage simulation technique. Compare with the current-mode
filter of Fig. 3.44b.

P.3.18. Derive the various voltage and current transfer functions of the OTA-C
filter of Fig. 3.21b. Show how band-stop, low-pass, and high-pass current
transfer functions can be obtained.

P.3.19. Derive all the voltage and current transfer functions of the OTA-C biquad
of Fig. 3.21c.

P.3.20. Derive the voltage and current transfer functions of the circuit of Fig. 3.21d
under the condition I;;; = I = Iy, G = Gz = Gz, C, = Cs. Also
derive the various transfer functions with I;,, = 0 and discuss their utility.

P.3.21. Show that low-pass, noninverting high-pass current transfer functions are
available from the circuit of Fig. 3.21e.

P.3.22. Derive the various transfer functions of the circuit of Fig. 3.22a— and
compare them.
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Chapter 4
Switched Capacitor Filters

The main limitation of active resistor—capacitor (RC) filters or operational
transconductance amplifier (OTA)-capacitor (OTA-C) filters is that the perfor-
mance is dependent on the component values thereby needing some techniques
for automated tuning. This has spurred research into alternative technologies
wherein the tuning requirements are not present. One such technique is the
switched-capacitor technique which was invented before OTA-C filters were
popularized. In this chapter, we study the topic of switched capacitor (SC) filter
design in a systematic manner.

4.1 Basic Concept of Switched-Capacitor Resistor

The realization of a resistor using an SC [4.1, 4.2, 4.3] is shown in Fig. 4.1a. This
circuit uses two metal-oxide semiconductor (MOS) switches and a MOS capacitor.
The switches are driven by a two-phase, nonoverlapping clock, as shown in
Fig. 4.1b. In phase 1, the capacitor C is connected to the voltage source v by
closing the switch ;. Thus, the capacitor C charges to the voltage v, and has the
charge Cv;. In phase 2, the switch S, is turned on and switch S; is turned off. Thus,
the capacitor has the charge C,v,. In effect, the charge that has been transferred is
(Cyvi—Cv,) in a time interval T. Noting that current i is defined as

. incremental charge flown dq
i= =—

= 4.1
time dt “.D
we have
. Ci(vi—v)  (vi—=va) (vi—wm)
1= = = 4.2)
T (L) R
C
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Fig. 4.1 (a) Resistor a
realization using a switched Si S

capacitor and (b) switching 04 0
waveforms used in (a)

. L

Thus an effective resistance of T/C, is realized. This quickly leads to the
observation that resistance can be tuned by changing the sampling frequency
fs = 1/T. In addition, note that a very small value of capacitance C, can realize a
very large resistance. For example, a 0.01-pF capacitor with a sampling frequency
of 1 MHz can realize a resistance of value 100 MQ.

Now, consider the circuit of Fig. 4.2a; by replacing the resistor R; with an SC, we
obtain the SC low-pass filter shown in Fig. 4.2b. The time constant T needed in
the RC circuit is R;C,, which corresponds to

T = R1 C2 = (Cil) C2 = T(%) (43)

It is very interesting to note that the time constant is controlled by the ratio of
capacitors and a controllable parameter clock period T. The ratios are controlled by
the mask design accurately delineating the areas of capacitors C; and C,. Thus the
pole frequency of filters using this technique can be controlled by ratios of
capacitors, an attractive proposition.

The grounded capacitors used in Figs. 4.1a and 4.2b have parasitic capacitance of
top plates C,,; and C,,,, as shown in Fig. 4.2c, which increases the value of C; to
(Cy +Cpy) and C, to (Cy + Cpp), thus changing the realized time constant.
The parasitic at the bottom plate of the capacitor is nonlinear and generally high
(of value 20-30% of the capacitance value C;). Since the bottom plate of the
capacitance C is connected to ground, this parasitic capacitance does not contribute
to any errors.

In a similar manner, an inverting SC integrator can be obtained by replacing the
resistor in an active RC integrator with an SC. The resulting circuit is shown in
Fig. 4.3a. Note that the parasitic capacitance across C; changes the time constant of
the integrator from T(C,/Cy) to T(C»/(C5 + Cp1)). It is therefore necessary to have
techniques where the circuits can be made parasitic-insensitive or stray-insensitive.
This is possible by using the circuit shown in Fig. 4.3b [4.4]. Note that in this circuit,
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a b
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R4 P4 P2
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Vo
P2
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L

Fig. 4.2 (a) First-order RC low-pass filter, (b) circuit obtained using a switched-capacitor in place
of resistor R, and (c) actual realized circuit including parasitic capacitances
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Fig. 4.3 SC integrators: (a) a parasitic-sensitive inverting integrator, and (b) a stray-insensitive
inverting integrator



254 4 Switched Capacitor Filters

the parasitic capacitances are also shown. In phase 1, the capacitor C; charges to the
input voltage and transfers the charge to the capacitor C,, which still has the charge
obtained in previous such operations. In phase 2, the capacitor C, is discharged since
both terminals are grounded. The parasitic capacitance Cp,; is charged to input and
discharged to ground, thus not transferring any input-dependent charge to capacitor
C;. On the other hand, the parasitic capacitance C,, is charged to virtual ground
considering that the opamp has high gain and is discharged to ground, thus not
causing any charge transfer to C,. The circuit is therefore parasitic-insensitive.

SC circuits can be analyzed by writing a charge conservation equation at various
nodes in the network in each phase. However, it is convenient and efficient to use
the z-domain equivalent circuits as described by Laker [4.5]. We consider this
technique in the next section so that it can be used as a tool to derive the transfer
functions of complex SC networks.

4.2 Analysis of SC Filters

4.2.1 Laker’s z-Domain Equivalent Circuit Method

In SC circuits, either terminal of a capacitor may be connected in either phase 1 or
phase 2 to some other capacitors, voltage sources, ground or virtual ground,
or positive or negative input of opamps [4.5]. Thus, charge transfer takes place
between various capacitors during either phase. Consider a capacitor in the SC
network shown in Fig. 4.4a. Charge flows through terminal 1 in both phases of the
clock and leaves from terminal 2. Since the capacitor is bilateral, similarly, charge
enters the capacitor at terminal 2 and leaves from terminal 1. There is a time delay
between the present phase and the next phase. We denote the two phases as “even”
and “odd” for convenience and the suffix “e” stands for even phase and “0” stands
for odd phase. With these basic ideas in mind, we can write the following four
equations at both terminals 1 and 2 in each phase.

AQ (2) = C(Vie=Vae) = C(Vip = Vo) 22 (4.42)
AQ,, (2) =C(Vig— Vi) = C(Vie = Vao) 272 (4.4b)
AQy, (2) = C(Vae = Vo) = C(Vay = Vi) z 2 (4.4c)
AQ,, (2) = C(Vay —Vip) = C(Vae — Vi) 272 (4.4d)

where AQ is the incremental charge flowing into the terminal during the phase
under consideration. Note that all the z transforms of variables appear in (4.4).
Equations (4.4a, 4.4b, 4.4c, 4.4d) mean that the incremental charge flow into any
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Fig. 4.4 (a) A capacitor in an SC circuit and (b) its z-domain equivalent circuit

terminal is given by (present charge — previous charge) and the term z™"/ indicates
the timing relationship “previous” to “present,” implying a delay of a half-cycle.

Laker [4.5] has observed ingeniously that the four equations can be completely
represented by the equivalent circuit given in Fig. 4.4b. These four equations are
basically charge-to-voltage relationships and hence the voltage differences need to
be multiplied by capacitances. Note that each node in the original circuit becomes
two nodes labeled “even” and “odd” by the suffixes e and o, respectively. However,
the term Cz ' is not just a capacitor but has a delay in addition. Although the
equivalent circuit looks bewildering, in practical circuits, the use of the equivalent
circuit considerably simplifies the analysis. Note that the opamp in SC circuits is
considered as two opamps: one in the even phase and one in the odd phase.

As an illustration, consider the SC integrator shown in Fig. 4.5a. Substituting
Laker’s z-domain equivalent circuit for both the capacitors and using two opamps,
the interconnection in the original circuit can be transferred to the equivalent
circuit. Thus, the circuit of Fig. 4.5b is obtained. Fortunately, much simplification
can be made by noting the following. The connection of any component between
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Fig. 4.5 (a) An SC integrator, (b) a z-domain equivalent circuit, (c) a simplified version of (b),
and (d) a series-switched capacitor

virtual grounds of two opamps or two output terminals of two opamps does not
contribute to the circuit. Hence, these can be deleted. Similarly, a component
between ground and virtual ground or source to ground also does not serve any
purpose. With these simplifications, we get the much simpler circuit of Fig. 4.5c.
This circuit can be analyzed easily by writing two charge conservation equations
(CCEs) at nodes 3e and 3o0:

Vie Ci4 Voo Co— Voo Cr 2712 =0 (4.5a)



4.3 First-Order SC Circuits 257

and
Voo C2—=Vye C2 2_1/2 =0 (45b)

Solving these two equations, we obtain the transfer function of the circuit as

Voe Cl
- - 4.6
Vig Cz(l —Z_l) ( a)
Voo = Ve 271/2 (46b)

This corresponds to a stray-insensitive inverting integrator. Note that Eq. 4.6b
means that the output in the odd phase is a “half-cycle delayed version of the output
in the even phase.” In other words, we can say that “the output is held over a clock
period.” This is since the charge transfer takes place to the integrating capacitor in
only one phase. We also note that V;, has no effect since the input is disconnected
from the circuit in the odd phase. In general, note that there are four transfer
functions possible for a two-phase SC circuit: v,./Vie, Voo/Vier Voe/Vios a0d Vil Vi,
It is convenient to ensure that charge transfer takes place in only one phase so that
circuits can be cascaded without needing an interface in between. In addition, the
opamp will have enough time to settle, that is, to enable the capacitors to charge to
the final signal voltage value.

If we wish to consider the output in the odd phase, we have seen from Eqgs. 4.6a
and 4.6b that

Voo Ci 77172
LA 4 L R 4,
Vig C2 (1 —Zﬁl) ( 6C)

This corresponds to a lossless discrete integrator (LDI) type [4.6, 4.7] using LDI
_ -1

T z1 /2

Eq. 4.6a itself, it corresponds to the backward Euler transformation [4.7]; that is,
|

s — TZ This SC branch comprising C; and the associated four switches in

type of s — z transformation given ass — . On the other hand, if we choose

Fig. 4.5a is known as a series-switched capacitor, and in the original form was
presented as shown in Fig. 4.5d [4.2]. Intuitively, the capacitor is discharged in one
phase so that it loses its “memory,” making it a resistor causing charge transfer only
in one phase. In this form, however, the branch will be affected by the parasitic
capacitances and thus not used in practice.

4.3 First-Order SC Circuits

Armed with the equivalent circuit, we can quickly derive the transfer functions of
SC circuits. Some first-order SC circuits are presented in Fig. 4.6a—d. SCs can
facilitate some tricks to simplify the hardware.
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Fig. 4.6 SC building blocks: (a) a noninverting integrator, (b) a lossy inverting integrator,
(c) a bilinear integrator (Adapted from [4.8] © IEE 1980), (d) a first-order circuit with output
held over a clock period (Adapted from [4.9] © IEE 1982), (e),(f) SC amplifiers(Adapted from
[4.10] © IEEE 1983), (g) an SC differentiator, (h) an SC differentiator using fully differential
output opamp (Adapted from [4.11] © IEEE 1992), (i) an integrator with input and feedback
capacitors multiplexed (Adapted from [4.12] © IEEE 1984), and (j) an all-pass filter (Adapted
from [4.12] © IEEE 1984)
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Fig. 4.6 (continued)

A noninverting integrator [4.1] can be obtained by simple change of the input
SC, as shown in Fig. 4.6a. This circuit also is stray-insensitive. Note that in this
circuit, the capacitor C, is charged to the input voltage in phase ¢b;. Consider that
V., is positive, for illustration; the capacitor terminals assume the polarity as
shown. Hence, in the other phase, when the input is grounded, the capacitor looks
as though it has negative voltage in series which is transferred to C,. Thus a
noninverting integrator can be realized by just interchanging the controlling phases
of the input switches. The circuit of Fig. 4.6a thus saves one opamp additionally
needed to realize a noninverting integrator from an inverting integrator.

A lossy integrator is presented in Fig. 4.6b, which is easily obtained by shunting
the integrating capacitor with a resistance simulated using an SC. The transfer
function of the lossy integrator is given by

Voe _ Cl

= — 4.7
Vie C, (1 —Zfl)+C3 .7

The circuit evidently is stray-insensitive and has output held over a clock period.
The circuit of Fig. 4.6c [4.8] realizes a transfer function given by

Cy Vie+Cy Viy 2712

Voe = 4.8a
C,(1—z71)+C; ( )
Hence a bilinear integrator is realized under the condition V;, = Viez " and
C, = C4, with a transfer function given as
Ve Ci(1+z7!
= 1(1+27) (4.8b)

Vie n _C2 (1 —Z_1)+C3
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Evidently, when C5 = 0, a lossless integrator is realized. This means that the
1—z7!
1 +z71
tion of an exact bilinear lossy integrator is not possible. The reader is urged to verify

this. Note that the output in the other phase can be shown to be

circuit realizes the bilinear transformation s — 2 (

7 > However, the realiza-

M: 2 C4(C12+C3) +C Cy
Vie C(C (1 =271+ G3)

(4.8¢)

It will often be required to realize a general first-order transfer function with
output held over a clock period, which is feasible using the circuit shown in
Fig. 4.6d. The transfer function of this circuit [4.9], which uses a noninverting
and inverting SC in the feedforward path, is given by

Ve Ci—Cyz!
Joe 4.9
V,‘e C2 (1 —Zﬁl)‘l-CS ( )

As an illustration, for realizing a first-order, digital, all-pass filter transfer
function

Voe a—z1
=—-— 4.10
Vie l—az! 4.10)
we have
C )
a=—= 4.11
Cs Cr+GCs @1
The gain of the all-pass filter is Q%C; . Note that in the case C; = Cy, a first-

order high-pass filter is realized.

Yet another interesting circuit shown in Fig. 4.6¢ is used to realize an amplifier
[4.10]. Note that other simpler circuits for realizing amplifiers are feasible (see
Fig. 4.6f). But this circuit has the problem that it cannot work at very high
frequencies since the opamp acts as a buffer in one clock phase and its output
will be at ground potential. The opamp output needs to make the transition from
signal level to ground and ground to the new input signal value. Such a problem
does not exist for the amplifier shown in Fig. 4.6e.

An SC differentiator is presented in Fig. 4.6g. This circuit realizes a transfer
function given by

< = _alzz ) (4.12)
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Fig. 4.7 A fully
differential SC integrator
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Note that this circuit has the same limitation that the opamp needs to “slew” fast
from ground level to the signal value. The output exists only in the even phase.

An alternative SC differentiator [4.11] using a fully differential configuration of
the opamp is shown in Fig. 4.6h. Note that the memory of the capacitor C, can be
destroyed by connecting capacitor Cj since the z-domain equivalent feedback will
be Co(1—z" ') + C3z~ ' = C, when C, = C;. The output is held over a clock period
for an input that also is held over a clock period.

It is possible to reduce the component count in certain SC building blocks by
multiplexing the switched capacitors. As an illustration, a damped integrator is
shown in Fig. 4.61 that uses only two capacitors. The transfer function of this circuit,
known as a direct transfer integrator [4.12, 4.13], can be derived as

Voo Cq 77!
- 4.13
Vio (C] + Cz) — C2 271 ( a)
Ve = Voo /2 (4.13b)

under the condition V;, = V,, z71/2.

The modified circuit of Fig. 4.6j realizes a first-order all-pass transfer function
given by

-1 _
Vw: (C1+C3)Z Cs 4.14)
Vio (Cl + C2) - C2 Z_]

under the condition C, = Cs.

Just in the case of active RC circuits, fully differential SC circuits are
recommended to have better performance. A typical fully differential SC integrator
corresponding to Fig. 4.6a is presented in Fig. 4.7.

Second-order SC filters are the most important building blocks and these use the
first-order blocks described in Figs. 4.5a and 4.6. We consider these in detail in
the next section.
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4.4 Stray-Insensitive SC Biquads

4.4.1 Fliescher-Laker SC Biquad

Perhaps the most popular SC biquad is from Fleischer and Laker [4.14], shown in
Fig. 4.8a. This circuit is based on the two-integrator loop. Note that earlier
simplified versions of this biquad were presented by other authors [4.15, 4.16].
The switched/unswitched capacitors A, B, and F form a lossy noninverting
integrator. The switched/unswitched capacitors C and D form a lossless inverting
integrator. The switched capacitor branches G, H, I, and J are feedforward
capacitors. Note that among the capacitors £ and F, only one is sufficient to
provide damping. We also observe that the output can be taken at opamp 1 with
the output denoted 7" or at opamp 2 with the output denoted T. It is interesting to
note that all charge transfer takes place only in the even phase, that is, ¢;.
Evidently, the outputs are held over a clock period. As a first step, we use Laker’s
equivalent circuit method to obtain the z-domain equivalent circuit shown
in Fig. 4.8b.

By writing the charge conservation equations at the virtual ground input of the
opamps in the z-domain equivalent circuit, the transfer functions 7 and T’ can be
found as follows.

Vol(2) _ o0 —DI +z7' (DI +DJ — AG) + (AH — DJ) z >

Vi(z) = DB+F)+z"(AC+AE —2BD — FD) + (BD — AE) z 2
(4.15a)

and
~GB+F)+I1(C+E)+z"(GB+HB+FH

Vi) ~CJ —IE—EJ])+ (E] —HB)z?

Vi(zy = DB+F)+z'(AC+AE —2BD — FD) + (BD — AE) z 2
(4.15b)

Note that in these two transfer functions, one can choose £ = 0 or F = 0. It can
be seen from the numerators of Eqgs. 4.15a and 4.15b that the numerator is decided
by G, H, I, and J, the feedforward capacitors. Moreover, in the case of the T circuit,
the numerator is independent of the capacitors E, C, F, and B. The design of the
circuit can be carried out by matching Eqgs. 4.15a and 4.15b with the desired
z-domain transfer function. We next illustrate the elegant design procedure
described by Laker and Fleischer [4.14].
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Fig. 4.8 (a) Fleisher-Laker SC biquad, and (b) z-domain equivalent circuit of (a) (a Adapted
from [4.17] © IEEE1989, b Adapted from [4.20] © IEEE1986)
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4.4.2 Design Procedure

(a) Firstchoose A = B = D = 1 since there are only two parameters to be realized
by the denominator: the pole-Q and pole frequency. The simplified transfer
functions are:

Vo(Z)_ . I+ (I+J-G)+H—-J)z?

Vi(2) _T_(1+F)+z“(C+E—2—F)+(1_E)Z_2 (4.162)
and
V,o(Z)fTri(fG(l+F)+1(C+E)+z*1(G+H+FH7C171E7EJ)+(EJ,H)Z—2)
vi) (1+F)+z ' (C+E-2—F)+ (1 —E)z2

(4.16b)

Thus, C and F for the F circuit (E = 0) or C and E for the E circuit (F = 0) can
decide the denominator. However, the scaling step described later will bring the
final A, B, and D values to the correct values.

(b) Determine the values of all the other capacitors. While doing so, it will
be advantageous to go for choices such as I = 0 and avoid choices that
involve matching of capacitors, for example, /J—I = 0. This is often feasible
since four degrees of freedom G, H, I, and J exist whereas only three are
needed to decide the numerator.

(c) The next step is to substitute the various values of capacitors obtained in
Egs. 4.16a and 4.16b. Then scale the various capacitances in the circuit so as
to have optimal dynamic range. This involves calculating the maxima of the
transfer functions at the T and T’ outputs and equalizing them. Interestingly,
closed-form expressions for the maxima of a second-order digital transfer
function are available (see Appendix A). Using these formulae, the maximum
of T', in the case where T is the desired output, can be determined. The
maximum of 7 is known since the given specification of the filter decides this
maximum value. In a similar manner, if T’ is the desired output, maxima of both
T and T’ can be determined. We denote next ft = Trax/T max- Note that p can be
greater or less than 1. Our aim is to see that Ty, is brought to uT”ax. This is
made possible by dividing all the capacitors associated with the T' (i.e.,
capacitors A and D) by p. In other words, they become A/u and D/u. Thus,
when D is scaled to D/p, the output T’ .., has changed to pt T' ... This, however,
changes the output 7 to uT. To keep T at the old value decided by the specifica-
tion, we need to maintain the loop gain constant. This is achieved by scaling A
to A/u. On the other hand, if we wish to scale Ty, to the desired value when
T max is the desired output, we need to scale B, F, C, and E.

(d) Atthis stage, some equivalences can be used to reduce two capacitors to one, thus
saving area. Specifically if G = H (or I = J), instead of using two capacitors of
value G, one unswitched capacitor can be used, thereby saving the associated
switches as well. This point can be appreciated by observing the z-domain
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equivalent circuit of Fig. 4.8b. Under this condition, the branch (G—Hz"YH
becomes G(1—z""), thus enabling the use of a single unswitched capacitor.

(e) The next step is to scale the circuit for minimum total capacitance. After the
previous step outlined in (d), the capacitor values associated with each opamp
are grouped as ABFIJ and CDEGH so all the capacitors in each group are
connected to the same virtual ground node (inverting input of the opamp).
Denoting the smallest capacitance in each group as C,,, the unit capacitor, all the
other capacitors can be expressed in terms of this smallest capacitor. This
enables computing the total capacitance in both the groups in terms of C,.
Next, summing these total capacitances in both groups, the total capacitance
needed for the complete biquad can be obtained. The capacitor spread needed
also will be evident at this stage.

(f) The last step is to combine the switches. It can be seen from Fig. 4.8a that all the
switches connected to the node N do the same function-transferring charge to
the feedback capacitors in ¢p; and getting grounded in ¢h,. Thus, these can be
combined to reduce the number of switches. This is important to save on the
area as well as other problems associated with the switches discussed later.

This completes the design of the SC biquad. Several options are available: (1)
output can be taken at T or T', (2) E or F can be zero, or (3) only three among G, H, I,
and J will be needed — therefore, computer-aided design packages are available that
can explore the full design space and give an optimal design.

4.4.3 Capacitor Spread Evaluation

It is interesting to note that since the circuit in Fig. 4.8a is based on a two-integrator
loop, the pole frequency and pole-Q sensitivities tend to be low [4.18]. However, it
is required to estimate these so that among the various design choices, the better
options can be chosen. The SC circuits are sampled-data systems, thus the sensitiv-
ity analysis needs to be carried out in the z-domain [4.17]. However, the analysis in
the s-domain will lead to practical insights since specifications are often given in the
s-domain and designers tend to use the bilinear s — z transformation to get the
required digital transfer function. We use the inverse bilinear s — z transformation
on the sampled-data transfer function to obtain two parameters, 6 and Q, where
0 = fi/w,, with f; as the clock frequency and w,, corresponding to the prewarped
pole frequency. Considering a general second-order denominator of the transfer
function

D(z) =az* — bz +c (4.17a)

using the relationship

21—z
s=2= <le> (4.17b)
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with T = 1/f; as the clock period, we have the corresponding second-order analog
transfer function as

a—c a—b+c
D(s) = s>+ s4f | ———— 4 [ —X—— 4.1
(s)=s"+s fs(a+b+c>+ fs(a—f—b—i—c) (4.18)
Thus the two parameters 6 and Q can be obtained as
1 a—b+c
= (=" 4.19
4 6* <a+b+c> (415
and
1 a—c
- = — 4.19b
400 <a+b+c) ( )

It may be noted that in high pole-Q designs, the choice of equal time constants
for the integrators yields optimal dynamic range. This implies that for the
Fleischer—Laker biquad, the choice A/B = C/D is appropriate. Next, without loss
of generality, we consider B = D = 1. Thus, from the denominator of Eq. 4.15 and
using Eq. 4.19 we have

0 DF+AE
Sz = 4.20
0 ac (4.20a)
and
46° —2%+ 1 DB - AE
= (4.20b)

4 AC

From Eq. 4.20, for the E and F circuits, the corresponding A and C values can be
obtained as
E circuit (F = 0)

B
2_
A:C:;, E:—Q\ (4.21a)
VAT 25 +1 VAT H25+1
F circuit (E = 0)
B
2 40
AccCo Fe Q (4.21b)

N ’ 2
49 28 +1 40° 25 +1

It is important to note the absence of square root in the expression for F in
Eq. 4.21b. For high pole-QOs, (4.21) can be approximated as
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E circuit (F = 0)

A:C:# E:4Q (4.22a)

F circuit (E = 0)

4=
A=C= 2 F Q (4.22b)

Var 1 45+

It can be seen that A and C values needed are the same for both the E and F
circuits. However, for 6> ‘/75 we see that E > F, and for 6< ? we see that £ < F.

4.4.4 Sensitivity Evaluation

It is relevant to examine the pole frequency and pole-Q sensitivities of both E- and
F-type SC biquads. From Eq. 4.19a and the denominator of Eqgs. 4.15a, 4.15b, we
can express 0 as

(4.23)

5 \/41)3 + 2DF — 2AE — AC
B 4AC

Thus, from Eqgs. 4.20a and 4.23, the following sensitivity expressions can be
obtained in terms of § and Q.

F circuit:
- 1 1 1 1 1 1
S =8 =S = Sy =t S = (424
A = 9C D g2 2B 852+2 460°°F 460 @24
Sg/stg/Q:_ Sj/Q:—SZ/Qzl (4.24b)
E circuit:
1 1 1 5 1 I )
S .

852 2 450°°CT g& 2
o1, 1

:ﬁ+§+@’ E:_@ (4.24¢)

Syl =0=57¢5/C=1=—sY° (4.24d)
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4.5 Multiplexed Single-Amplifier SC Filters

4.5.1 Parasitic Compensated SC Biquads

The Fleischer-Laker biquad of Fig. 4.8a needs two opamps. It may be noted that
both opamps in this biquad update the capacitors B and D in the even phase. In the
odd phase there is no charge transfer and hence the opamps are idle. Interestingly,
this fact can be used to multiplex the opamp in both phases, thus enabling the
realization of the single-amplifier SC biquad seen in Fig. 4.9b [4.19, 4.20]. The
z-domain equivalent circuit of Fig. 4.8b can be redrawn by changing the branch
—Az ' to —Az72 and to compensate this, the branch C + E(1 — 7z~ 1) becomes
Cz "2 + E(z""* — z73/%), as shown in Fig. 4.9a. This branch is realized as pz 1?2
— 0z where P = C + E and Q = E to simplify the hardware. In addition, the
input branch (G — Hzfl) also needs to be changed to (szl/2 — Hzf3/2). This new
z-domain equivalent circuit needs to be realized next.

The realization of the z~'? term is possible using the fundamental parallel
switched capacitor of Fig. 4.1a. But this circuit suffers from the parasitic capaci-
tance of the top plate of the capacitor C;. Thus, it is first required to obtain switched
capacitors that are not affected by parasitic capacitances and realize the various 40
(z) — V(2) relationships of the form C z V2, Cz7!, and Cz 32 Interestingly, these
can be realized in a parasitic-compensated manner. This means that under matching
conditions of capacitor values and identical layout of the circuit branches, the
nonideal parasitics do not affect the performance to a first order.

The realization of the branch Pz~ is possible by first charging the series
network of capacitors 2P and 2P + Cp; + Cp, to the input voltage in the even
phase (see Fig. 4.9b) so that across 2P + Cp; + Cp, we have a voltage

2P

———— in the even phase. In the odd phase, the charge on the capacitor
4P + Cp1 +Cpy P P & P

2P<2P + sz) 172

4P + Cp1 +Cp2
feedback circuit. Under the matching condition Cp; = Cp,, we have the incremen-

2P2P +C
tal charge voltage relationship given by H 712
P P2

32 transfers a charge given by

2P + Cp, given as is available for integration by the

=Pz'2 Tna

similar manner, the branch realizing Hz

4H (4H + Cp2)(4H + Cps)
(8H + Cp1 +Cp2)(8H + Cpa + Cp3)
tion Cp; = Cp, = Cp3. Note, however, that it is required to discharge the
middle capacitor 4H using an additional clock phase ¢p; as shown in Fig. 4.9b
and in the timing diagram in Fig. 4.9c. In a similar manner, —Jz ' also can be
realized as shown. The remaining branches can be easily understood. It may
be noted that the capacitors B and D have two switches [4.13] even though
theoretically one switch to isolate the capacitor will do. This will help in reducing
the clock feedthrough.

232 = Hz3/? under the matching condi-
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It may also be noted that during the interval between ¢b; and ¢b, (even and odd
phases of the clock), the opamp feedback loop is open and hence the opamp tends to
slew from its earlier output to ground thereby reducing the settling time to the new
input. This can be avoided by a technique known as “XY feedback” which uses two
dummy capacitors and two switches as shown in Fig. 4.9d. Note that the junction of
capacitors X and Y is grounded during both phases, thus not affecting the charge
transfer. On the other hand, during the interval between ¢b; and ¢b,, the capacitors X
and Y close the feedback loop and their charge is not going to affect the circuit
operation. Other techniques involve no additional components but rely on the require-
ment that the interval between the nonoverlapping clock phases shall be less than the
time required for the opamp’s output to slew a small amount (e.g., a fraction of a volt).
This, in turn, virtually eliminates the possibility of op-amp saturation during the
nonoverlap period, at no extra cost to the SC multiplexed circuit.

The combination of C and E to one capacitor P will affect the sensitivity. The
reader is urged to study the sensitivity of the pole-frequency and pole-Q to
capacitors P and Q.

4.5.2 Multiplexed Single Opamp High-Order SC Filters

Roberts et al. [4.21] have described a technique for multiplexing an opamp to
realize a high-order filter. This structure is stray-insensitive. For realizing an Nth
order filter, this structure needs (2N + 1) clock phases and several switched
capacitors. The block diagram and SC implementation of this structure are
presented in Fig. 4.10a, b. The circuit uses a fully differential amplifier and hence
the sign of the coefficients needed in filter realization, which may be positive or
negative, can be easily realized. The z~' blocks are realized by inverting switched-
capacitor branches whereas the integrator function is realized by capacitors in the
feedback path of opamps and switches. The block diagram can be best described by
the well-known state—space description:

(z— 1)X = AX + Bu (4.252)

Y =c'X + du (4.25b)

where X is the vector of state variables x;.

Equation 4.25a updates the state variables x; based on the input u; and all the
state variables x; whereas (4.25b) is used to obtain the desired output y;. The factor
1/(z — 1) is realized by an integrator with transfer function z_l/(l — z_l).

The circuit has three stages of operation. In the computation stage, the N phases
©1, 2, - - -, N are used to compute the present state x;(k) for i = 1 to N using the
weighted past state xj(k — 1) for j = 1, ..., N and the input u(k — 1). The ith state
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Fig. 4.10 (a) Functional representation of multiplexed filter, and (b) actual circuit of the
multiplexed SC filter (Adapted from [4.21] © IEEE 1987)
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computed is stored back on the feedback capacitor C;. of the opamp. The past states
are available on capacitors Cy;; for j =1, ..., N and Cp;.

In the updating stage, the N phases Qny1, Oy, - - -, Pon are used to copy the
updated states on the appropriate switched-capacitors C,; and C.. Note that the
inputs are sampled in the (N + /)th phase and stored on the capacitors Cp; and C,,.

In the (2N + 1)th phase, the output y(k) is computed by summing the weighted
present states and input according to (4.25b). Note that in Fig. 4.10b only one half is
shown. It may be seen that the capacitor ratios in Fig. 4.10b are related to the
various a, b, ¢, and d values in (4.25) as follows.

Ca'f—a-- %—b- Ce = ¢; —Cd =
Cl‘ - Y C,’ - ”CN+1 - *D -

d (4.26)

Note, however, that state—space filter design techniques need to be used translating
the desired specifications into a realization as described by (4.25a, 4.25b).

4.6 Improved SC Biquads

4.6.1 Multiplexing of Capacitors

Several improvements have been suggested for the Fleischer—Laker biquad with a
view to reducing the component spread or total area at the expense of sensitivity in
some cases. Fischer and Moschytz [4.22] have suggested multiplexing the capacitor
A to function as the capacitor F as well as capacitor A in the Fleischer-Laker
biquad. In addition, one more inverting damping switched capacitor P is connected
across the integrating capacitor B. The resulting transfer function of this circuit
shown in Fig. 4.11 can be derived as

Voe AGz™!

Vie  D(B+A)—z ' (2DB+PD +AD —AC) + 2 2D(B + P) (4.27)
It can be shown from the denominator of (4.27) and (4.19a, 4.19b) that
o0 DA-P
Q_p - (AT) (4.28a)
and
Wi =m= w (4.28b)
4 AC :

Due to the difference term (A — P) in (4.28a), the Q-sensitivity will be high.
Denoting P = kA, and choosing B = D = 1, from (4.28) we obtain
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Fig. 4.11 Fischer and Moschytz SC biquad using positive feedback (Adapted from [4.22]
© IEEE 1982)

C= w (4.292)

and

5
A:m@u—m—m

(4.29b)

As an illustration, for 6 = 2 and 0, = 10, for k =0, we have C =5 and
A = 4/83 yielding a capacitor spread of 103.75 whereas with k£ = 0.5, we have
C = 2.5 and A = 8/79 yielding a capacitor spread of only 24.68. Note, however,
that since the capacitor A is linked with the second integrator, scaling for optimal
dynamic range cannot be done if one desires the actual output at 7.

4.6.2 Split-Integrating Capacitor Technique

Huang and Sansen [4.23] have suggested techniques for reducing the capacitor
spread by a split-integrating capacitor technique. This circuit is presented in
Fig. 4.12. When D, = 0, it is same as the Fleischer—Laker biquad. However, by
introducing D5, the transfer function of the resulting SC filter can be derived as



274

4 Switched Capacitor Filters

v 4‘ }_1 D, I }_4.

@, 1
—V,
Lo * o

Fig. 4.12 Huang and Sansen biquad using split integrating capacitor (Adapted from [4.23]
© IEEE 1987)

Voe AL 7 H (1 -z
; A AE AE
Vle‘ (D1+D2)BI_Z_1 2_ C _ +Z_2 1_—
DB (Dy+D;)B (D1+D;)B
(4.30)
under the condition V;, = V;,z~/>. Note that in the ¢ phase (which was an idle

phase), there is a charge distribution of the integrating capacitor D; using L and D,.
The resulting design equations are as follows.

o ED,
=7 4.31a
0, CD 1 Dy) @31

and

2 1)
45 24 +1 B,

Z e (4.31b)

For the equal time constant design, assuming B = D; =1, we need A = C
yielding the following relationships.

2
A:C:

_— (4.32a)
/48? 125 +1
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Fig. 4.13 (a) An inverting integrator with low capacitor spread, (b) noninverting integrator

with low capacitance spread, and (c¢) Fleischer—Laker biquad based on (b) (Adapted from [4.24]
© IEEE 1989)

E 25/QP 1
4D Jag+22+1 &
V ,

Choosing E = 1, the spread of D, can be seen to be O, — 1. This may be
compared with the E-type biquad, for which £ = 1/Q,,. Thus instead of E being
1/Q,, in this case E shall be unity and D, shall be of the order of Q,,.

Huang [4.24] has suggested another method of reducing the capacitance spread
which is useful in an F-type biquad. The inverting integrator can be realized as
shown in Fig. 4.13a. Note that in the ¢h, phase, capacitors Dy, o, and G function

(4.32b)
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as an amplifier. During the ¢p, phase, only the charge contained on capacitor o is
integrated on capacitor D,. Thus, effectively, the transfer function realized is

Voo _ Go 712 (4.33)
Vie (D1 +a)Dy \1 —z! ’

Thus otherwise large capacitor ratio G/D is realized as the product of two
capacitor ratios thus reducing the spread. It may be noted that the output of the
opamp is not the same in both phases.

A noninverting integrator can be obtained by a simple modification of this circuit
as shown in Fig. 4.13b.

A Fleischer-Laker E-type biquad using this technique is presented in Fig. 4.13c.
The resulting transfer function can be obtained as

AG

l—z ' (22— ) 422
Voo . K DK (4.34)
Vi B AC vAE «AE :

11—z 2 ——— +z2(1-
DB Dy DB Dy D,B
under the condition V;, = V,,z~ 2. The design equations for this circuit are:
2 5
o~ & 22 (4.35)

0, CD’ 4 AC

Note that the ratio which was originally £/C is now realized as a product of two
capacitor ratios, thus effectively reducing the spread. Alternatively, it may be
considered that E is replaced by Eo/D;.

4.6.3 Nagaraj’s SC Filters with Low Capacitor Spread

Much simpler circuits needing only three capacitors to realize the large spread
proposed by Nagaraj [4.25] are shown in Fig. 4.14. Note that in the inverting
integrator of Fig. 4.14a, in Phase 1, the capacitors C, and C3 work as an attenuator
of gain C3/C,. In the next phase, the charge is withdrawn by the capacitor C5 and at
the same time, charge redistribution takes place between C; and C,. The transfer
function of this circuit is given by

Vo . Ci Gy '
Vie  Cy(Ci+Cy) 1 —z7!

(4.36)

Thus, the product of two ratios now will form one ratio thus reducing the spread.
Note that C, is typically a large capacitor and C; and C5 are small. The circuit can
be modified to realize a noninverting integrator as shown in Fig. 4.14b, whose
transfer function is the same as (4.36) except for a sign inversion.
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Fig. 4.14 Nagaraj’s technique for capacitor spread reduction: (a) lossless inverting integrator,
(b) lossless noninverting integrator, (c) inverting/noninverting lossy integrator, and (d) offset
compensated version of (b) (Adapted from [4.25] © IEEE 1989)

The transfer function of the lossy inverting integrator (noninverting integrator
using the switching phases shown in brackets with nonnegative sign) shown in
Fig. 4.14c¢ is given by

Voo Ci Cs3 712
_ - (4.37)
Vie (C2+C1)(Cr4Cs) —Cr (C1+Cr+Cy) z

The dc gain of the integrator is C3/C4. The realized pole-frequency is
approximately

fs( Ci Gy )
=2 4.37b
h=m\c Cy+Cy Ci+C> @370

An analysis of the effect of opamp offset voltage on the circuit of Fig. 4.14a
yields the transfer function as

V. Cq C3Zﬁl/2
“Cy(C1+Cr)(1—2z71)
+Voﬂe 77 V2C1(Cr4C3) + Voo (C2 (Cr+Co+C3) =271 (C2+C3) (C1+C2))
Cy(Ci+Cy)(1—-2z71)

Voe:_

(4.38)
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Fig. 4.15 T-cell integrator
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Note that the second term in the transfer function of Vg, is (C,/C3) times the
integrator transfer function. For SC integrators with large time constants, since C is
very small, the output offset voltage will be invariably high. Hence, offset compen-
sation needs to be applied.

An improved integrator to meet this requirement is shown in Fig. 4.14d
corresponding to an inverting/noninverting integrator. Note that this circuit needs
a three-phase clock and also one extra capacitor C; whose value is not critical.
During Phase ¢by, the offset voltage is sampled on capacitor C; and during the input
signal integration during Phases ¢h, and ¢bs, this is used to cancel the offset voltage.
Note that the finite gain error as well as //f noise are also cancelled. The reader is
urged to confirm that the offset voltage of the opamp is not enhanced as in the
previous case.

The effect of finite opamp gain on the integrator of Fig. 4.14a can be seen from
the following transfer function as

V[)e__ CiCs Z_l/2
e C,+C Ci+C2+C3)  _, [Co+C
4 (C2+( 21-: 3)> <(C1+C2)(lzl)+( 1+A2+ 3) 1( 2:: 3))

(4.39)

The reader may confirm that the effect of finite opamp gain is also reduced using
the circuit of Fig. 4.14d.

4.6.4 T-Cell Integrator-Based Biquads

The value of the input feeding capacitor in a SC integrator becomes very small for
realizing large time constants. An interesting technique suggested was to use a T of
capacitors in place of the input feeding capacitor [4.26] as shown in Fig. 4.15. The
transfer function of this circuit can be obtained as

Voe Cs Cy 1
—_— = 4.40
Vie (C3 +C4 +C4) C, (1 — Zl> ( )

It can be seen that the time constant of the integrator is now decided by the
product of two ratios C;/C, and C5/(C; + C3 + C4). Note that the charge
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accumulated at the internal node needs to be removed by connecting the middle
node to ground in every clock cycle. The disadvantage of the large time constant
circuits is that the offset voltage of the opamp is amplified since the input feeding
capacitance is low, as has been mentioned before. The transfer function including
the offset voltage is given as

Cs; Cy 1
Voe :*Vie
(C3 —|—C1—|—C4) C, <1 —Z_1>
C3 C] 1 (C3 +C4

Vo"e
o e reirana -0\ 6

) + Vope 4.41)

An analysis of a simple integrator with the opamp offset denoted as V. and
Vo in the even and odd phases (see Fig. 4.3b) using Laker’s equivalent circuit will
show that the transfer function is given as

Cy 1 C 1
Voem =V Vi (1 e Zl) (4.42)

ie C_2 1—2
under the condition V;, = V;,z~ 2. Thus, the offset voltage also is integrated
similarly to the input voltage and the offset voltage also appears directly at the
output of the opamp. Several techniques to compensate this offset voltage have
been described in the literature and are considered in detail in a later section.

4.7 Optimal Design of SC Biquads

Much work has been done on the optimum design of the SC biquads. Design
procedures different from that described by Fleischer and Laker have been
advanced by other authors. The problem considered is to achieve minimum total
capacitance. In the realization of a second-order low-pass transfer function as
in (4.43), for instance, the design requirements (also called constraints) are only
three: pole-frequency, pole-Q, and dc gain. An additional constraint is that the
maxima of both outputs of the opamps shall be equal.

-z TAG

D =
() = DB+ -7T(AC + AE —2BD) + (BD — AE) 2

(4.43)

A look at (4.43) shows that there are six degrees of freedom (capacitor values)
whereas only four constraints are existing. Hence, the problem is to find a solution
that reduces total capacitance by making effective use of the other degrees
of freedom available. Ki and Temes [4.27] suggest that the fourth constraint of
equal dynamic range can be approximated for high-Q designs using approximate
formulae without resorting to computer simulation to find the maxima. We note
from (4.43) that
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AE

0
— = 4.44
ac o, (4.44a)
AC 4 1
—————— (4.44b)
BD 45" +25+1 9
and the dc gain
G
M=— 4.44
c (4.44c)
Note that a band-pass transfer function is realized at the T’ output:
—GB(1 —z7!
/ -z (4.45)

" DB +z ' (AC + AE — 2BD) + (BD — AE)z 2

The maximum of (4.45) can be found in terms of the capacitor ratios and equated
to the maximum of (4.43) to obtain

GB G BC
Note that M = % = QL can be chosen to make the peak of low-pass transfer
function as unity. From (4.44a) and (4.46), we have ¢ = %. and next from (4.44b),

we have § = %
Thus we canobtainC = Q,G,E = 6G,B = JA,andD = G 6Q. Next, the smallest
capacitor among C, E, D, and G can be seen to be G. Note also that A and B are related

by 6. Thus the total capacitance considering G = 1 and A = 1 can be estimated as
Cr=0,(1+0)+25+2 (4.47)

Itis relevant to look again at the design procedure outlined earlier due to Fleischer
and Laker in which A = B = D = 1 was chosen first to arrive at C and E values.
Then G is identified based on the gain requirement. Next scaling will convert A and
D to A/p and D/u. Thus the final values are A/u, B = 1, D/u, C, E, and G. Proceeding
in the same manner as before, the capacitor values given in Table 4.1 can be
obtained. Writing the denominator of the transfer function as

Dz)=1-2—-a—-p)z ' +(1-p)z2 (4.48)

it may be observed that in the Flesicher—Laker design, « is realized as the single
capacitor C and f is realized as the single capacitor E and scaling does not
affect these values. Note also that the spread accordingly will be 6> or 00,. On
the other hand, noting from (4.43) the fact that o and B are products of two
capacitor ratios, they can be efficiently realized as the product of two smaller
ratios. This has been pointed out by other authors as well. Note that the equal
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Table 4.1 Comparison of various types of capacitance assignment

Capacitance Fleischer-Laker Ki-Temes Equal time constants
C 1/8 Q, 1

D 1/6° Q8 A

E 1/(5Q],) S 5/Q1,

G 1/(6* 0,) 1 1/0,

A 1/6 1 1

B 1 ) A

time constant design described earlier to evaluate the capacitor spread (see
(4.20a) and (4.20b)) considers A = C = 1 and B = D. Thus directly, B (= D)
and E can be estimated first and then G can be evaluated to meet the dc gain
requirement. This case also is presented in Table 4.1 for completeness. Note
that for all designs, total capacitance can be obtained by summing all the
capacitance values C, D, E, and G in one group and A and B in another
group. First, these need to be scaled based on minimum capacitance in the
two groups and then total capacitance can be estimated. As an illustration, for
6 =1 and Q, = 10, the total capacitance is 24C, for all designs whereas
for 6 =2 and Q, = 10, the total capacitance is 36C,. Ki and Temes [4.27]
considered all generally desired digital transfer functions and listed the maxima;
these can be used to optimize the capacitance assignment. Nevertheless, this
approach is good for high-Q designs and low pole-Q designs still need exact
computation of the maxima to facilitate scaling.

The disadvantage of the previously desired approaches is that only certain
topologies such as the Fleischer—Laker biquad [4.14] or Fischer—Moschytz biquad
[4.22] and the like were considered separately whereas in general many more may
exist. There was no systematic exploration. Secondly, analytical approaches are
manual and thus may not be efficient. The accuracy also is limited in analytical
approach since low-Q,, cases cannot be considered. Furthermore, the problems of
reducing the number of capacitors, sensitivity, and noise are not considered.
Tang [4.28] has recently considered in a systematic manner, the capacitance
assignment problem as an optimization problem using MINLP (mixed integer
nonlinearly constrained programming). This method is less analytical but more
numerical in nature. They also use several constraints: (a) equality constraint
meaning matching of coefficients of the symbolic transfer function with the
desired transfer function having numerical values; (b) OS (optimum swing)
constraint (what we have called earlier realization of optimal dynamic range);
(c) choice of a general versatile topology shown in Fig. 4.16 and (d) using
a cost function based on pole-Q sensitivity, number of capacitors, and total
capacitance. The pole-Q sensitivity due to all components is considered whereas
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Fig. 4.16 General stray-insensitive SC biquad (Adapted from [4.28] © IEEE 2008)

pole-frequency sensitivity is not considered. The reader is referred to Tang [4.28]
for more information.

Example 4.1 Using WINSPICE, perform the frequency-domain analysis of the
Flesicher—Laker SC biquad using Laker’s equivalent circuits. This is based on
Nelin’s [4.156] pioneering work. The treatment follows that of Allen and Holberg
[4.155]. Laker’s equivalent circuits need realization of admittances of the form
Cz~'2. These are realized in WINSPICE using delay lines that can have a delay of
T/2 where T is the clock period using statements such as X23PC1 2 3 23 DELAY.
The subcircuit DELAY has a VCVS to produce a voltage amplified by gain 1 at
terminal 3 of the voltage between input terminals 1 and 2 with a delay of T s. Then
this voltage is converted into a floating current source between the same terminals 1
and 2 using the statement G23 2 3 23 0 2.4924694.

The capacitors and resistors are realized as capacitors and resistors.

We have considered a SC filter with all capacitors G, H, I, J, E, and F being used
so that the reader can change the program accordingly. The resistor values are
reciprocals of capacitor values. Note also that 1/(C + E) is used since in Laker’s
equivalent circuit the capacitor is the sum of C and E.
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The SC filter with T output is an F-type SC bilinear bandpass filter with a center
frequency of 1,633 Hz, sampling frequency 8 KHz, Q of 16, and midband gain 10 dB.
The capacitor values are £E=J =0, I = G = H = 0.1320836, F = 0.083541,
C = 14924694, A = B = D = 1. This example is taken from [4.14]. Evidently,
T2 = 62.5 p's. Opamps of gain 100, 000 have been used. The z-domain transfer
function can be obtained using standard design procedure as

0.1219(1 — z72)

H =
(&) = 10545511 092292

* SC Biquad Fliescher Laker
Vin 10 ac 1

R1G 12 7.570962
*R1G 12 1/G
R2H 0 2 7.570962
*R2H 02 1/H

R3D 241

*R3D 24 1/D

R4D 351

*R4D 35D

R5CE 2 8 0.67003048
*R5CE 2 8 1/(C+E)
*R6C 39 1/E
R7AJ 061

*R7AT 0 6 1/(A+])
RI9BF 6 8 0.92290
*RI9BF 6 8 1/(B+F)
R10B 791

*R10B 79 1/B
R11I1 6 7.570962
*R11I1 6 1/1

X23PC1 2 323 DELAY
*X23PC1 2 323 DELAY D+C
G232 3230 2.4924694
*G2323230D+C
X67PC1 6 767 DELAY
*X67PC1 6 767 DELAY B
G67676701
*G6767670B

XI12NCI1 12 12 DELAY
*X12NC1 12 12 DELAY
G12211200.1320836
*Gl1221120H

X20PC1 2 0 20 DELAY
*X20PC1 2 020 DELAY H
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G202 020 00.1320836
*G2020200H
X34NCl1 3 4 34 DELAY
*X34NCl1 3 4 34 DELAY
G34433401
*G3443340D

X25NCl1 2 525 DELAY
*X25NCl1 2 5 25 DELAY
G25522501
*G2552250D
X29NC1 2 9 29 DELAY
*X29NCl1 2 9 29 DELAY
*G2992290E

X38NCl1 3 8 38 DELAY
*X38NCl1 3 8 38 DELAY
*G3883380E

X56NC1 5 6 56 DELAY
*X56NC1 5 6 56 DELAY
G56655601
*G3883380E

X06PC1 6 0 60 DELAY
*X06PC1 6 0 60 DELAY
G06606001

*G06 6 0 60 0 A+J
X78NC1 7 8 78 DELAY
*X78NC1 7 8 78 DELAY B
G78877801
*G7887780B

X69NC1 6 9 69 DELAY
*X69NC1 6 9 69 DELAY B
G6996690 1
*G6996690B

X16NC1 16 16 DELAY
*X16NC1 16 16 DELAY J
*Gl166116017J

E10DD 0420 1E6
E1IEVEN 0530 1E6
E20DD 0 8 6 0 1E6
E2EVEN 097 0 1E6

sk sk sk sk sk sk sk sk sk skoskoskoskokosk sk ok
.SUBCKT DELAY 123
ED40121

TD 4 03 0 ZO=1K TD=62.5u
RDO 30 IK

.ENDS DELAY

sk sk sk she sk sk sk sk sk sk sk skeskeskeske sk sk sk sk skeosk

.AC LIN 99 10 4000

4 Switched Capacitor Filters
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Example 4.2 In the earlier example, the input was fed directly. In practice, the
input needs to be sampled and held. A circuit for this purpose adapted from [4.156]
is shown in Fig. E.4.2. and the corresponding WINSPICE code is presented. The

frequency response shows the sin(w7/2)/(wT/2) response of a zero-order hold. Note
_ =T
that a zero-order hold has a response given by —;. The full delay of 125 pus is
s

realized as a cascade of two delay elements of 62.5 ps.
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Fig. E.4.2 (Adapted from
[4.156] © IEEE 1983)

't

* SC Sample and Hold
VIN10ac lv

*VIN 1 0 sin (0 1 30000 0 0)
R114 10K

R234-10K
X1102DELAY
X2203DELAY

E1 504 0 -100000000
Cl145 1IN

sk sk sk sk sk sk sk sk sk skoskoskokokok sk ok
.SUBCKT DELAY 123
ED40121

TD 4 03 0 ZO=1K TD=62.5u
RDO 30 1K

.ENDS DELAY

sk sk she sfe sk sk sfe sk sk sk sk ke sk ke sk sk sk sk sk sk

ACLIN 99 1 24K

v mag(v(5))

B T T RS
10.0 _........'.‘._....E.............E..............E.............;.............E
R 1 e R e
0.0

0.0 5.0 0.0 15.0 20.0 25.0

frequency kHz

Example 4.3 Observe the transient response of the SC amplifier using MOS
transistors as switches using WINSPICE. Note that in order to discharge the
feedback capacitor, a switch SMOD is used. A MOS transistor can be used but it
distorts the signal unless a special design is carried out.
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*SC amplifier transient response to sinewave input

vl160dc2.5

VINI1 1 0 sin (0 0.25 30000 0 0)

M11322NMOS1I W=1UL=1UAD = 18P AS = 18P PD = 18U PS = 18U
M22544NMOS1I W=1UL=1UAD = 18P AS = 18P PD = 18U PS = 18U
*M57344NMOS1 W =1UL =1U AD = 18P AS = 18P PD = 18U PS = 18U
S14 7100 SMOD

C12030.0pP

C2473.0P

E17040-1000

v280-2.5

.MODEL SMOD VSWITCH(RON=1K ROFF=10E9 VON=+2.5 VOFF=-2.5)
Vclockl 3 0 dc PULSE (-2.52.5000 1u 4u)

vclock2 5 0 dc PULSE (-2.5 2.5 2u 0 0 1u 4u)

Vclock3 10 0 de PULSE (-2.52.50 0 0 1u 4u)

.tran 10ns 100u

.MODEL NMOS1 NMOS VTO = 0.70 KP = 110U GAMMA = 0.4 LAMBDA =
0.04 PHI =0.7 MJ = 0.5 MJSW = 0.38 CGBO = 700P CGSO = 220P CGDO =
220P CJ = 770U CJSW = 380P LD = 0.016U TOX = 14N

.MODEL PMOS1 PMOS VTO = -0.70 KP = 50U GAMMA = 0.57 LAMBDA =
0.05 PHI = 0.8 MJ = 0.5 MJISW = 0.35 CGBO = 700P CGSO = 220P CGDO =
220P CJ = 560U CJISW = 350P LD = 0.014U TOX = 14N

.END

-2.0

-3.0

4.8 SC Ladder Filters Based on Component Simulation
and Operational Simulation

SC ladder filters based on doubly terminated LC networks can be easily derived.
As has been seen in the case of active RC and OTA-C filters, the ladder filters could
be based on component simulation or operational simulation. In the component
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simulation technique, floating and grounded inductances and termination resistances
based on SC technique will be needed. These, however, invariably are affected by
parasitic capacitances at the intermediate nodes. Hence, stray-insensitive SC filters
need to be realized using operational simulation. However, interestingly, some of the
concepts used in realizing operational simulation type SC filters have been adapted
from the component simulation technique and in fact, have been used in the realiza-
tion of OTA-C filters. Hence, we briefly consider the component simulation tech-
nique and then discuss more elaborately the operational simulation technique.

4.8.1 SC Realization of L, C, and R Elements

The components such as inductance, capacitance, and resistance are defined by the
I(s) — V(s) relationship in the s-domain. On the other hand, in SC networks only
incremental charges flow. Hence we need to derive incremental charge-to-voltage
(40(z) — V(2)) relationships for the three components so that SC versions can be
built [4.29, 4.30, 4.31, 4.32].

Consider an inductance L as an illustration for which we have

V(s) = (sL)I(s) (4.49a)
We know thati = % Thus, by taking the Laplace transform on both sides,
I(s) = s0(s) (4.49Db)
From (4.49a) and (4.49b) we have
V(s) = (s*L)Q(s) (4.49¢)

It is known that there are several s — z transformations for mapping from the
s-domain to the z-domain. Using the bilinear transformation (BT), we have from
(4.49¢c)

4L (1 — 71y
V(i) == —20( (4.50)
&= (2
Since incremental charge is related to charge using the relationship

AQ(z) = (1 —z7H0(2) (4.51)
for an inductor, we obtain from (4.50) and (4.51),

T2 (14271

AQ(2) = V(2) 37 T (4.52a)



4.8 SC Ladder Filters Based on Component Simulation and Operational Simulation 289

1— -1
On the other hand, the use of LDI transformation s — Tfi/z in (4.49c¢) yields
z

T2 -1

It is interesting to note that (4.52a) can be rewritten as

2 o1 2 2 (1 — ,—1)? o1
80(e) = V(o) 37 o = Vg
201 _ - 2 -
_vi)l (14L 1)+V(2)L$_Zil) 4.53)

showing that a bilinear transformation-type inductor can be realized as a LDI type
inductor (second term in (4.53)) in parallel with a capacitance of value Tz/( 4 L) (the
first term as shown shortly). In a similar manner, for a resistance, the corresponding
incremental charge—voltage relationships corresponding to BT and LDI trans-
formations can be derived as

BT: AQ(z) =V(z2)==(1+z7") (4.54a)

=)~

T271/2
R

LDI: AQ(z) =V(z) (4.54b)

Note that LDI-type resistance is not realizable due to the simple reason that
charge can flow instantaneously into the circuit across the capacitor or after one full
clock cycle delay. Thus, three types of 40(z) — V(z) relationships can exist, given
by (4.54a), and the following two given as

-1
AQ(z) = V(2) T; (4.55a)
AQ(z) = V(Z)IZe (4.55b)

Similarly, for a capacitor C, the corresponding incremental charge—voltage
relationships corresponding to BT and LDI transformations can be found interest-
ingly to be the same:

AQ(z) = V(z)C(1 —z7") (4.56)

It is thus clear that SC branches that can realize these AQ(z) — V(z) relationships
are required to simulate the various components so that they can be interconnected
to form the complete SC circuit. Note also that in the above discussion, charge flows
only in one phase into the terminals of the device.
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Fig. 4.17 (a) SC floating inductance simulation circuit, and (b) circuit used for realizing general
termination resistance ((a) Adapted from [4.30] © IEEE 1981 (b) Adapted from [4.31] © IEE
1983)

The SC network of Fig. 4.17a realizes an LDI-type of inductance [4.29]. Note
that the input voltage is buffered using buffer-connected opamps A; and A, and
sampled by the SC C; in the even phase. The charge on C is integrated using a
differential integrator formed by OA Aj; and capacitor C,. The output of the
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~1/2
a

GC(1—z1)
capacitors C3 and C, and made to flow into the terminals A and B (i.e., by
discharging the capacitors C3 and C, using the buffer-connected opamps A; and
A,) to realize a LDI-type floating inductor (see (4.52b)). The charge flowing into the
input terminal V4 can be seen to be

integrator is (V4 —Vp). This voltage is converted into a charge using

_Cl C3 77!
o C2 (1—2_1)

AQ(z) (Va—Vs) (4.57)

Shunting this floating inductor by a capacitance T%/(4L) yields a floating bilinear
transformation type inductance.

For realizing ladder filters, the termination resistances need to be realized using
switched-capacitors. The termination resistances have one terminal connected to
source or ground and another to other components in the ladder filter. The three types
of terminations that are needed can be realized using the circuit of Fig. 4.17b [4.31].
Note that this circuit is obtained from the floating inductance realization of
Fig. 4.17a by first removing the buffer A; and associated capacitor C3 and switches
at terminal A and changing the integrator to an amplifier. The effective incremental
charge flowing in the circuit of Fig. 4.17b can be written as

C, C
AQ(z) = (Cl +2C—4 zl> (Va—Vg) (4.58)
3
Thus, by appropriate choice of capacitors (a) C; = 0, (b) C, = 0, (¢c) C, = C;
and C4 = Cj, the three desired types of terminations can be realized.

4.8.2 SC Low-Pass and Band-Pass Filters Derived
Using Operational Simulation of LC Ladder Filters

Consider the third-order elliptic low-pass filter of Fig. 4.18a [4.33, 4.34, 4.35]. The
equations describing the operation of the circuit at nodes V| and V,, can be first
written as follows.

Vi—=Vi 1
— — - = 4.
R‘v + (Vo Vl) (SLz + SC2> V1 N C1 0 ( 593.)
(Vi—=V,) L sc V,sCi— Y20 (4.59b)
1 o SL2 sCa 0SC3 RL - .

- . : 2(1—z1 .
Substituting the bilinear s — z transformation namely s = ( ) in

1=
T(1 42 TAl+z

(4.59a, 4.59b) and multiplying throughout by , we obtain
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L 1 2 1 2
WV s v (2 U -
—Vil—=zHC =0 (4.60a)
2 —1)?
(Vi—=Vo) (4];42 ((lltz_l))+ (1 —ZI)C2>
T(1+z7")

—V,(1=zHC3-V, =0 (4.60b)

2R;.

This equation should be rewritten such that SC blocks can realize the various

2 -1)2
. . .. T (14271 .
terms in a stray-insensitive manner. The term —— ————— can be rewritten as
4L2 (l — Z_])
T2 477! Vi—V)T(1 4271
i ((1 —z )+ (l—Zz—‘)> Similarly, the first term ( I;R(s ) can be
T T(1-z"
rewritten as (V; — V) <R3' - (2RSZ)) .

Thus from (4.60a, 4.60b), we have after regrouping terms connected with —V/,
V,and V, — V; and V; as

v(L_TO=20Y Ly (e o — o
av3 2R, \"2 ", :

> T
—Vi(1—-z"! — -
1 ( z )(C1+C2+4L2 2R,

T 7 !
Vi =+ (V,—V))————— =0
> 1R5+(0 1)Lz(l—z—l)

(4.61a)

1% C+T2 (1—zY+Vv,(1-zNH(C3+C +T2 a
"\, : o\l 2 T T
T > !
—+ (Vy=V)————— =0 4.61b
+V0 RL+( 4 l)L2 (1_2_1) ( )

It can be seen that the terms o(1 — z~ ') correspond to an unswitched capacitor
of value o and frequency-independent terms correspond to SC resistors, whereas
2 -1
the term (V, — V) - 277 can be realized using a stray-insensitive differen-
4L, (1 —z71)
tial integrator. This term can be shared in implementing both (4.61a) and (4.61b) as
well. The complete SC filter thus obtained is as shown in Fig. 4.18c. Note that the
source resistance implementation needs an inverting amplifier of unity gain as
T(1—z7h
2R,
opamp as is also seen in the case of active RC filters based on operational

shown to realize — . Note also that —V is realized at the output of an
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Fig. 4.18 (a) Prototype third-order low-pass elliptic ladder filter, (b) SC circuit based on (a), (c)
prototype of bandpass filter obtained from (a) using LP to BP transformation, and (d) SC filter
derived from (c) (b Adapted from [4.35] © IEEE 1981)

simulation. The cross-coupling capacitors will be needed for low-pass all-pole
2

realization also (i.e., the case with C, = 0) of value TP The same procedure
2

can be applied to high-order filters as well. Note that C, can be a unit capacitance.

The application to band-pass filters is straightforward. Consider the prototype of
Fig. 4.18b and the SC filter of Fig. 4.18d derived therefrom. In this case since L, and
L5 are different, the equations to be realized are different:
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T/Rg T T
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Fig. 4.18 (continued)

v,«(l%—mz;&z])) <C2+§>(1—21)—V1(1—21)

v DTNy Ty (4 E2)) o
VUL AL, 2R, "Ry Ly(1—zhH 2! L))~

(4.62a)

and

T‘2 TZ T2 T
-V (Cz+—4L )(1 V(- )(c2+c3+—+—__)
2

41, 4L; 2R,
T 2 1! L,

v, — (v, |1 —Vy| =0

" L2(1—21)< (*L) >

Due to the unequal last terms in (4.62a) and (4.62b), two different opamp-based
circuits will be needed to realize (4.62a) and (4.62b) as shown in the SC implemen-
tation shown in Fig. 4.18d.

(4.62b)

Example 4.4 Plot the frequency response of the bilinear third-order elliptic low-pass
SC filter of Fig. 4.18b using opamps with gain 100. Note that we have simulated here
the simplified z-domain equivalent circuit considering the sampled and held input.
This reduces the size of the code as the number of elements are very few in the
equivalent circuit as compared to those using the complete balanced lattice
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equivalent of Laker. The design specifications are clock frequency/pass-band edge
ratio of 9.25, 0.28 dB ripple and a pass-band to stop-band edge ratio of 2. The values
of components of Fig. 4.18a are Rg = Ry = 1, C; = 1.20301, C, = 0.201627,

2
C; = 1.20301, L, = 0.962438. After prewarping using the formula o, = T tan

CODT

2
C, = 0.193814, C3 = 1.1564, L, = 0.9251446. Using these values in (4.61), the

various capacitor values can be obtained, which are used in the simulation.

, prewarped values considering T =1 s are Rg =Ry = 1, C; = 1.1564,

*Third -order ellptic filter
Vin 10 ac 1

R12122

R23 23 0.4716024
R42241

R47471

R67 7 6 0.4716024

R62 6 2 2.1549866

R37 37 2.1549866
R454 5 1.0809116
X12PC1 1 2 12 DELAY
G12121200.5
X32NCl1 2 3 32 DELAY
G32323201.12043
X45NCl1 4 5 45 DELAY
G45 5445 00.925145
X62NC1 6 2 62 DELAY
G622 662 0 0.46404
X67NC1 6 7 67 DELAY
G67 7667 01.12043
X37NC1 37 37 DELAY
G377 337 00.46404
X35NC1 3535 DELAY
G35533501

X56NC1 5 6 56 DELAY
G56655601
E13020-1E2
E26070-1E2
E34050-1E2

sheoste sk ske sk sk ske sk ke skeskeske sk skeoske skesk
.SUBCKT DELAY 123
ED40121

TD 4 03 0 ZO=1K TD=125u
RDO 30 IK

.ENDS DELAY

sk sk sk sfe sk sk sk sk sk sk sk skeskeskesk sk sk skeskeskoskosk

.AC LIN 99 10 12000
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4.8.3 SC High-Pass Filters Derived Using Operational
Simulation of LC Ladder Filters

The realization of SC high-pass filters based on the RLC prototype (see, e.g.,
Fig. 4.19a for a third-order filter) using the bilinear transformation technique
described above is not feasible [4.35]. The reason is that the corresponding to
the source resistance, the 4Q(z) — V(z) relationship will have a term of the type
k(1 + z~') and this creates an anomalous situation. At f,/2, the input to the high-pass
filter is cut off since the (1 + z_l) term becomes zero. As such, Lee et al. [4.35]
suggest the use of scaling (dividing) all the impedances in the prototype by s. After
scaling, as an illustration, the s-domain nodal equation can be obtained as

S(V,‘ — V] ) 1 2 V]
R +(V 1)(L2+S 2 L (4.63a)
. - , 2 /1—z71
Substituting for s the bilinear s — z transformation, s = — and
T\1+:z!
(1-z')
multiplying throughout by (1 + z~'), and using the identity T G =0
4771 (1 )
(1+z7h -
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Fig.4.19 (a) A prototype third-order high-pass filter, (b) SC implementation of (a) (Adapted from

[4.35] © IEEE 1981)
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146, o <1 4cz>> 16C; 2!
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(4.63b)

Note that parasitic-sensitive branches are needed for realizing the z~' terms as
well, since l+lz,, = (l_z,11)+2z,1 as shown in Fig. 4.19b. The various capacitor values
are as follows.

2 1 1 4G, 2
a — T T , Ly — s Lal = 2 a— 5
C TRS+L1+L2+ = C &, Ca1 = 2(Cy —Cs)
Ca 1 4G, Cyi Cos 160,
== — _ 1l = 2 Cy = 464
Ci== L7 Ca=2C C. T2 (4.642)

In a similar manner, the equation at node V, gives the other capacitor values as

111 1 Cel
—_ _ i = — == 2 - =
G 7 +L2 +L3 + 2, Cp RL,CM (Ch—C1),C. 2
1
e (4.64b)
Ls

4.9 High-Frequency SC Filters

High-frequency filters based on the LC technique cannot achieve the out-of-band
attenuation of about —80 dB needed in certain applications. These are generally not
integrable on CMOS VLSI chips and hence are used external to the chip. On the other
hand, CT (continuous-time) filters realize a large corner frequency variation of 5%
to 10% due to process variation and matching. Hence, SC filters are attractive for
these high-frequency applications. Several opamp architectures are known in the
literature to which the reader is referred to excellent books. However, among
the various opamp topologies, five types can be distinguished: single-stage folded-
cascode opamp, single-stage telescopic opamps, two-stage telescopic opamps, cur-
rent mirror OTA, OTA based on complementary differential pairs, and three-path
OTA as shown in Fig. 4.20(a)—(f). The reader is referred to Moon [4.36] and Adut
et al. [4.157] for an exhaustive discussion on the choice of opamp topology.

The clock frequency naturally is large for high-frequency SC filters, therefore
the stringent requirements on the folded cascode opamp of Fig. 4.20a arise. The
bandwidth of the opamp has to be high, meaning that large G,, needs to be used
thereby leading to large power dissipation. Due to the large G,,, the opamp input
capacitance also tends to be large. Moreover, multiple branches of Bias current are
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needed increasing the power dissipation. Due to the large input capacitance, for
high-frequency filters, and due to the high f,/f; ratio, the feedback factor around the
opamp gets reduced when small unit capacitance is used.

On the other hand, the telescopic opamp of Fig. 4.20b needs less power since of
the reduced number of current branches but a large input capacitance still exists.
Moreover, due to the high common-mode voltage, complementary transmission
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Fig. 420 OTA architectures for high-frequency SC filters: (a) telescopic architectures, (b)
folded-cascode topology, (c¢) two-stage OTA, (d) current-mirror folded cascode OTA, (e) OTA
based on complementary differential pairs, and (f) a three-path OTA ((c) Adapted from [4.36]
© IEEE 2000, (a), (b), (d)—(f) Adapted from [4.157] © IEEE 2006)
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Fig. 4.20 (continued)

gate switches need to be used. Next, if the two-stage opamp of Fig. 4.20c is used,
the power consumption will be of the second stage since it needs to drive the
capacitor load. A very small capacitance will be needed at the output of the first
stage for frequency compensation. Moon [4.36] has recommended this architecture
in view of its low noise, low dissipation first stage, and good high-frequency
response by dominant pole compensation.



4.9 High-Frequency SC Filters 301

e
v Mo v Hrail3 A3 |
CMFB —| M5 |_VCMFB
|
v MTt —| l— M4 j l— Vgp
BP
MIN MIN
4./3
V. . | — Vi
VOuH " 41Tall/3 " V0u1+
Mo6
Vex— |:M3
BN M1P MIP M3;| F— Vix
| |
M | |
M2
EI Vaias
VBIAS
f

2§ 2AMAN-D Iy (M+N+1) | 2MN-Dlpgi (M4 N+1) y
CMFB
(@ 8lraif(1+M+N)

M
Vemrs —|

M4
M4 v
vBP_| E v v |_ "
n+ |_|n-

Ml Ml Ml Ml

Y

Ven—] |:|M3 M3 F— Vix

M6
M2
M2 M7 VBIAS Q Elvm M7

Fig. 4.20 (continued)

out+ out-

Next, we consider the current-mirror cascode OTA shown in Fig. 4.20d which
may settle faster than the folded cascode since of its enhanced slew rate and smaller
input capacitance. If N > 1, a large portion of the overall dc current used will be
transferred to the load.

A complementary folded-cascode OTA is presented in Fig. 4.20e in which two
differential pairs are used to exploit both cascode transistors. The two feedforward
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signal paths create a zero which compensates for the phase degradation due to the
two nondominant poles. A greater fraction of the dc current is available for the load
in this topology. The noise level is slightly higher than the folded-cascode
topology.

Finally, the 3-path OTA is shown in Fig. 4.20f which comprises three OTAs.
A folded-cascode OTA is implemented by M1, M2, and M3 and a current mirror
cascode is realized using M1, M2, M3, and M6. A current mirror folded-cascode
OTA is realized using M1, M4, M6, and M7. A major portion of the dc current is
available as the OTA output current.

4.9.1 SC Filters Using Double Sampling Scheme

High-frequency filters can use the double-sampling scheme (DSS) so that in both
phases, the filtering function can be realized. This effectively means that the
sampling frequency is doubled. A buffer using double sampling [4.36] is illustrated
in Fig. 4.21a. Note that the input is sampled in both phases by two separate feed-in
branches and delivered to the output in the other phase. Note that during the interval
between the clock phases, the possibility of opamp output glitching out of range can
be avoided by using a small capacitor between the output and inverting input of the
opamp.

Note that the above circuit has to settle in each clock phase to give the correct
output. The settling time requirements can be relaxed at the expense of additional
hardware using fully duplicated hardware. An example of an integrator [4.37, 4.38]
using double sampling scheme (DSS) but which has full clock cycle time to
stabilize is shown in Fig. 4.21b. Moreover, finite gain compensation can be
achieved due to the presence of a free clock phase. Such compensation is not
possible in the circuit of Fig. 4.21a.

The capacitors Cpy and Cp, are called battery capacitors which compensate for
the opamp finite gain error during integration. The capacitors Cy;; and Cyy, are
memory capacitors on which the previous samples are stored. Note that C; is the
integrating capacitor. The top opamp operates on the input V;(nT) and produces
the output V,(nT) in Phase 1. On the other hand, the bottom opamp operates
on the input V;((n + 1)T) and produces the output V,((n + 1)T) in Phase 2. In
Phase 2, the top opamp does the finite gain compensation using the output sample
stored on Cy;q and in Phase 1, the bottom opamp does the finite gain compensation
using the output sample stored on C,.

An E-type biquad based on this concept is presented in Fig. 4.21c to realize
a 10.7 MHz IF bandpass filter with a Q of 27 that could successfully work with a
clock frequency of 42.8 MHz. The buffer stage is used to enable driving a large
capacitive load. The capacitive load was needed to be large in order to meet the low
noise requirement.
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4.9.2 SC Filters Based on POG (Precise Opamp Gain)

The performance of SC filters depends on the sampling frequency and in the case
of high sampling frequencies, the gain available from the OTA may not be high
[4.39, 4.40, 4.41]. Hence designers have investigated the possibility of designing
SC filters using opamps with precise but fixed gain. This technique is known as
POG (precise opamp gain). This is briefly considered in this section.

Consider the SC lossy integrator of Fig. 4.22a using an opamp of gain A,. The
transfer function can be easily derived as

Vo o
Yo _ _ — ,1 (4.65a)
Vi (C/2+C’3 +7C‘+ij+c3) —C (l—&-A%) z-1
Considering the ideal desired transfer function as
Vo Cl
—=— 4.65b
Vi (C2—|—C3) —C 71 ( )
from (4.65a) and (4.65b), the following relationships can be obtained.
Ch=Ci G=Ch(1+4), G=Cr+95S @6
or alternatively as
C ;-
Ci=C, Ch=Fr"0, C3=—"1>n (4.66b)

_1+fo,,

This effectively amounts to predistortion. The expected value of the fixed gain A
may vary slightly from to A(1 + ¢) where ¢ is the error. The resulting pole of the
first-order low-pass filter due to this variation can be estimated from (4.65a) by

1
substituting these values and approximating 173 =1—c¢as
€

p/: C2p (1+%)
C2p+C3p—%+Cl (1 _3)(%4'%) + (C2p+c3p_%)(%)

which can be approximated as

C2 & Cl
= —2 (1 P 4.67b
P <C2p + C3p> ( - <1 + A) (C2[7 + C3p>) ( )
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Fig. 4.22 (a) A lossy SC integrator using a finite gain opamp, and (b) gain control loop for SC
filters using POG technique (Adapted from [4.41] © IEEE 2000)

Thus, the error € can be seen to be divided by A. In other words, if we use an
amplifier of gain A = 100 with an error ¢ of 1%, the error looks as though we have
used an amplifier of gain 10,000.

Itneeds to be seen next how to realize a precise gain opamp. It is difficult to control
the gain of a CMOS amplifier without a gain control loop. The schematic of such a
gain control loop [4.41] is shown in Fig. 4.22b. A replica opamp exactly similar to the
actual opamp used in the filter is required. A dc voltage reference Vg R /(Ry + R»)
is obtained using a potential divider comprising resistors 2R, and two resistors
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of value R,. This voltage is applied to the open-loop opamp of desired gain A whose
output  voltage  evidently is  AVggRi/(R; + R»). The difference
C1AVger Ry
Cy Vegp ———————
( 2 VREF Ri+R,
by capacitors C;, C5, and Cy to yield the control voltage V.. This control voltage
varies the gain of the replica amplifier to make the difference zero thus yielding

_ (G2 (Ri+Rs
A—<C1>< . ) (4.68)

The opamp shall be designed to have a high dc gain. The architecture of
Fig. 4.22b uses resistive as well as capacitive dividers to reduce the spread. The
SC filter uses a low-frequency clock. For example, using C,/C; = 9 and Rp/R; = 9,
a gain of 80 can be realized. The offset of the replica opamp may be avoided by
using the chopper configuration as shown. The gain control loop settles in a few
milliseconds with 0.1% accuracy. The typical clock frequencies for the SC filter,
gain control loop, and chopper are, respectively, 100 MHz, 100 KHz, and 50 KHz.

) is estimated by a stray-insensitive SC integrator formed

4.9.3 SC N-Path Filters

An alternative method of designing narrow-band SC filters is based on a technique
known as N-path filtering [4.42]. This technique is considered in detail in this
section. By virtue of the sampling theorem, SC filters using a sampling frequency of
fs can process signals in the frequency range f;/2 denoted as the Nyquist Range.
Increasing the Nyquist Range effectively means that the number of samples in one
sample period 1/f; need to be increased. This is possible by having one filter in each
path in a N-path system with each path using a sampling frequency of f; and then
combining the outputs of all these paths as shown in Fig. 4.23a for N = 4. Note that
all the paths having identical filter responses are cyclically sampling at the same
frequency f;. The output signal is composed of N samples per period T, = 1/f;.
The effective sampling frequency of an N-path filter is Nf; and hence the Nyquist
range is Nf,/2. The overall frequency response of the N-path filter is the same as the
frequency response of the individual path for all switch positions i. Considering
the use of a low-pass filter in each path of cutoff frequency f,, the result is that the
spectrum of the base-band LPF repeats at kf; as shown in Fig. 4.23b. Thus,
effectively, a comblike band-pass response is created. The bandwidth of the
band-pass response is 2f, thus effectively realizing a Q for the band-pass filter of
kf/2f,,. for the band-pass response centered at kf.

Note that any one of the band-pass responses centered around f;, 2f;, 3f;, and so
on can be selected using a postfilter (a band-pass filter centered at that frequency).
The advantage gained in this approach is that due to the higher sampling frequency,
the antialiasing filter will be very simple.
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Fig. 4.23 (a) N-Path filter structure using a low-pass filter in each path, and (b) its frequency
response

Some simple circuits will be useful [4.43] for selecting only the response
centered around f; and rejecting the response at dc and at all even multiples of f.
One such z-domain transfer function is

H(z)=(1-z"1% (4.69)

The SC low-pass filter response is shown in Fig. 4.24a. This transfer function
(4.69) has a response as shown in Fig. 4.24b thus yielding the overall band-pass
response as shown in Fig. 4.24c.

It is further important to note that the unwanted mirror frequencies appear at the
output due to the path mismatch at various multiples of f;, for example, 2f; — f.,
2f; + f,. These may exist in the pass-band of the filter and hence care has to be taken
to match the various paths. In addition due to the parasitic drain-gate and gate-
source capacitances of the switches used, there will be a clock feedthrough signal at
the output that not only produces an offset voltage but also produces additional
spectral components at multiples of the clock frequency. These will reduce the
dynamic range of the SC filter.

If the path filter is a high-pass filter, then the spectrum will have a band-pass
response at multiples of f;/2. Interestingly, in this case, the clock feedthrough does
not exist in the pass-band.

The significant advantage of N-path filter is that the center frequency does not
depend on capacitor ratios. Moreover, high-Q band-pass filters can be realized
using low-Q blocks. Thus the sensitivity to component tolerances can be controlled
easily. Moreover, since the center frequency of the band-pass filter depends only on the
sampling frequency or its multiple, component tolerances of the filter will not come
into the picture. Only the mid-band gain and Q are dependent on the capacitor ratios.



308 4 Switched Capacitor Filters

Fig. 4.24 Frequency a f, 2f, 2f, 2f,
response of (a) SC low-pass PTG DTS 1S
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4.9.3.1 Single-Path Frequency Translated SC Systems

As a generalization of the N-path filter, Franca and Haigh have suggested the use of
single-path frequency translated SC systems [4.44]. These are based on the fact that
all sampled-data filters have band-pass frequency response at multiples of clock
frequency and any one of the band-pass responses can be chosen by inserting an
appropriate antialiasing filter (AAF) and anti-imaging filter (AIF) as shown in the
architecture of Fig. 4.25a. They have suggested the use of two constants m and n
defined as m = f,/f, and n defined as the band centered at nf; + f, or nf, — f,.
Evidently, the realized Q of the band-pass filters is Q = kQ; where k = mn + 1
and Q; = f,/Bandwidth of the SC bandpass filter. Thus there is Q enhancement.
The advantage is that from a relatively low-Q prototype band-pass filter, a very
high-Q band-pass filter can be obtained. This can be seen by noting that the
bandwidth of the band-pass response remains the same whereas the center frequency
changes depending on m and n.

Evidently, a variety of choices for m and n is possible. The choice of the upper or
lower sideband (nf; — f,) or (nf; + f,,) depends on the selectivity of the antialiasing
filter needed. If m > 1, the frequency translated bands are close to odd multiples of
fy/2, thus needing a steeper cutoff for the AAF at the upper transition band. Similarly,
if m = 2, the lower transition band will need higher selectivity. On the other hand, if
m = 4, a symmetric AAF will be needed. Due to the sample and held nature of the
signals at the output of the SC band-pass filter, there will be slowly decreasing
gain as n increases. This needs to be corrected by the anti-imaging band-pass filter.

Often, a decimator may precede the SC filter (see Fig. 4.25b) so as to ease the
prefiltering requirement of the continuous-time antialiasing filter. Decimators are
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Fig. 4.25 (a) A SPFT SC filter system architecture, (b) antialiasing filter with a SC decimation
filter, and (c¢) anti-imaging filter with interpolation filter (Adapted from [4.44] © IEEE 1988)

used to reduce the sampling rate. As an illustration, if a SC filter works at a
sampling frequency of 100 KHz, a decimation by 10 implies that the sampling
rate of the input of the decimator is 1 MHz. Thus, the antialiasing filter in this case
needs to attenuate to the desired extent the aliasing frequency corresponding to
the higher sampling rate. Thus, in place of complex continuous-time filters, a
simple first- or second-order antialiasing filter will serve the purpose. In a similar
manner, the AIF also can have a counterpart interpolation filter (see Fig. 4.25¢)
which increases the sampling rate at the output to 1 MHz thus enabling the use of a
simple smoothing filter. The interpolation and decimation filters can be single-stage
designs based on FIR filters or a combination of IIR and FIR filters. The reader is
referred to [4.44] for details on possible designs.

A typical N-path filter structure using a passive path filter is shown in Fig. 4.26b
based on the path filter shown in Fig. 4.26a. Note that the path transfer function is
given by

Cy 7!

HE = e —a

(4.70a)
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Fig. 4.26 (a) A low-pass path filter, (b) four-path filter based on (a)

The overall transfer function of the four-path filter needing a four-phase clock is
given by

Cy 74
(C,+Cy)—Crz™*

H(z) = (4.70b)

Note that (4.70b) can be obtained by using z — z" transformation [4.45] from
(4.70a). Note that the output is available in each phase and hence is available all the
time. Effectively, the sampling frequency is increased fourfold. It is important to
note that there may be a mismatch between capacitor values in the various paths,
which leads to generation of additional mirror frequency components in addition to
the desired output signal.
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4.93.2 7 to Z~N Transformation

It is relevant to mention that z — z" transformation creates several pass-bands at
if/N(i=0,1,2,...,(N — 1)) where f; is the sampling frequency. In the case of an

integrator transfer function H(z) = 17% it is mapped into an Nth-order band-pass

v . This can be seen from the fact that z"

filter of transfer function H(z) = =
= TN — @27 for f = % Thus, the center frequency of the bandpass response is
at f/N, 2f/N, 3f/N and so on.

Similarly, using the transformation z — —z", an integrator transfer function is
mapped into an Nth-order band-pass filter [4.46]. In this case, it may be observed

that
_ N _ JONT _ i(oNT+m) _ _ JNT(0+5) @.71)

meaning that the low-pass response is shifted by i along the frequency axis.

In this case, several pass-bands at if,/2N) (i = 1, 3, 5, ...) where f; is the
sampling frequency are created. The advantage of the latter is that the passband is
free from clock feedthrough noise.

For N = 2, an HP N-path filter is possible, whereas for N > 3 only an LP N-path
filter is realizable. The reason is that for N = 2, in the LP case, the desired passband
will be centered at f;/2 and hence the signal in the upper half will alias into the lower
half and vice versa.

4.9.3.3 Pseudo N-Path Filters

In order to avoid the mismatch related problems, an alternative solution known as
the pseudo N-path filter has been suggested in the literature [4.47]. In this method,
only one path exists but each memory processing element in the path is sequentially
connected to a circulating delay line that discharges and recharges the various
elements such that the overall circuit still appears to have N paths. The circuit of
course becomes complicated. Two architectures based on a circulating delay line
and RAM (random access memory) are described in the literature [4.48]. These are
considered next.

Pseudo N-Path Filters Based on Circulating Delay Line

The SC N-path filter based on the single-path lossless integrator is shown in
Fig. 4.27a which uses a circulating delay line. The basic N-path filter must be
able to integrate the injected charge with a stored charge that held N sample periods
before. The three-path filter derived from Fig. 4.27a is shown in Fig. 4.27b which
needs a four-phase clock as shown in Fig. 4.27c. Note that the capacitor C is used
for the integration whereas the capacitors C;, C,, and C5 are used to form the delay
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Fig. 4.27 (a) Stray-insensitive inverting integrator, (b) SC pseudo-three-path integrator based on
(a), and (c) timing waveforms (b,c Adapted from [4.48] © IEEE 1982)

line. The operation of the circuit is as follows. In Phase 1, the input capacitor C,, and
the memory capacitor C3 update the charge on feedback capacitor C. In Phase 2, the
charge on capacitor C; is shifted to C5 using the opamp. In a similar manner in
Phases 3 and 4, the charge on C; is successively transferred to C,, the charge
updated in Phase 1 on C is transferred to C, and C,, is discharged. The above cycle
is repeated. In other words, in four clock cycles the charge on C is moved to Cs.
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The values of C, Cy, C», and C5 do not matter since all the charge available on one
capacitor is transferred to the other using the opamp. The transfer function is only
determined by C, and C. In four cycles, the charge on C; has moved one step
forward. Thus the charge on C; corresponds to an input fed to C, reached after
12 cycles. Evidently, an output sample is available in (N + 1) th, the clock Phase.
The lowest clock feedthrough frequency (since output is taken only in phase 1) is
1/T" which is far away from the pass-band. (Note that the pass-band is centered
round f, = 1/T). Note that this type of N-Path filter has only one circulating loop
and all the charge packets follow the same path in the circuit. The pass-band thus
will be free from clock feedthrough noise.
The transfer function realized is

G JC

P (4.72a)

H(z) =

Noninverting operation can be obtained easily by interchanging the clock phases
at the right-hand side of the capacitor C, in Fig. 4.27b. The transfer function then
becomes

(4.72b)

Pseudo N-Path Filters Based on RAM

An alternative pseudo N-path filter structure has the advantage that the number of
clock steps required can be reduced to 8 instead of the 12 needed in the circulating
delay line technique described earlier. This three-path integrator circuit is shown in
Fig. 4.28a. The operation of the circuit is as follows. In Phase 1 (synchronous with
Phase 3), the input charge fed through C, together with the charge stored on Cy, is
transferred to the capacitor C. In Phase 4 (synchronous with Phase 2), the updated
charge on C is transferred back to C,. Similarly, in the next Phase 1 (synchronous
2 with Phase 5), the charge on C; is integrated together with the input charge on C,,,
and the resulting charge on C is transferred back to C, in Phase 6 (synchronous with
Phase 2). In the next step the process repeats for C;. It can be observed that each
capacitor Cy, C,, or C3 stores charge for three intervals of T’ since each is updated in
Phase 1 and when Phase 3 or 5 or 7 occurs. Evidently, the RAM-based design needs
eight clock signals as against four in the circulating delay line-type SC N-path filter.
Evidently, an output sample is available in every second clock phase. Moreover, it is
not immune to the clock feedthrough noise in the center of the passband, since
charge packets belonging to different paths are stored on different capacitors. Note
that N circulating loops exist in this type of N-path filter. Thus asymmetries in clock
signals and switch dimensions are not automatically balanced out.
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Fig. 4.28 (a) A RAM-type pseudo N-path filter, and (b) timing waveforms (Adapted from [4.48]
© IEEE 1982)

It is possible to combine both techniques, using circulating delay line and RAM,
as well to obtain hybrid pseudo N-path filters. These need, however, one extra
opamp but use two phases only as in the case of RAM-based designs considered
earlier. The operation of this circuit [4.49] shown in Fig. 4.29 is as follows. In Phase
1 (i.e., Phase 3), the charge from input on Cj is transferred to C. Simultaneously, the
charge on Cy is transferred to C. In Phase 2, synchronous with Phase 4, the charge
on C is transferred to C4. Simultaneously, the charge on C, is transferred to Cs.
During the next Phase 1 synchronous with Phase 5, in a similar manner as before, the
charge on C, is transferred to C, . In Phase 2 synchronous with Phase 6, the charge on
C, is transferred to Cs. Thus there are two charge circulations C — C4 — C; —
C; - Cand C — C4 — C, — C3 — C. There are two delay lines comprising
(C4, Cy, C3) and (Cy4, C,, C3). Note that their values do not affect the performance.
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Fig. 4.29 (a) A hybrid
pseudo N-path filter, and
(b) switching waveforms
(Adapted from [4.49] ©
IEEE 1985)
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Fig. 4.30 (a) A third-order low-pass elliptic filter prototype, (b) SC bilinear N-path ladder filter,
(c) capacitive coupling needed for realizing elliptic filters, and (d) equivalent of (c) to simplify the
circuit of the N-path filter (Adapted from [4.48] © IEEE 1982)

It can be seen from the timing waveform that the number of clock phases is more
than that of circulating delay line type pseudo N-path filters but the clock
feedthrough now occurs at f./2 and f, and not at the pass-band centered at f,./3.

Application to Ladder Filters

The integrators in high-order SC filters derived from prototype RLC ladder filters
can be substituted by the pseudo N-path integrators to obtain very narrow band and
low-sensitivity band-pass filters. As an illustration, the technique for realizing an
elliptic band-pass N-path filter [4.48] using a circulating delay line based on a low-
pass elliptic filter of Fig. 4.30a is presented in Fig. 4.30b. Note that the resistor
simulating switched capacitors remain as they are whereas the integrating
capacitors are replaced by the blocks containing N + 1 switched capacitors as
shown in Fig. 4.30b. The important point to note is that the coupling capacitors
needed in the realization of elliptic filters need not be replaced by the N-path
branches by a simple observation that the circuits of Fig. 4.30c, d are identical.
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Thus a switched-capacitor can take the place of the coupling capacitor. Note that by
replacing the branches A, B, and C in Fig. 4.30b with capacitors, a bilinear SC low-
pass filter can be identified.

A stray-insensitive SC N-path filter can be obtained from the high-pass filter of
Fig. 4.19b. This uses z to z " transformation. The inversion is realized using a fully
differential topology. It may be recalled that the circuit of Fig. 4.19b is not stray-
insensitive due to capacitors C,i, Cp, C., C4, and C,;. A stray-insensitive
realization can be obtained [4.46], which is amenable for realizing a N-path filter
based on RAM. This is seen by rewriting (4.63b) as

v, A=y (e by b)) (L e
"R, : : R, L L ° : L L,

1 1 4771
— 1—z D427 (= —(Vy— — =0
+Vz<<L2+C2)( ) +2z (L2+c2>> (V5 VI)CZ(I_Z_I)
(4.73a)
and the equation at node V, can be written similarly as
Vi 1 1 1 1
—Vi{m=+—+—+C Vol —+C
R, 1<RS+L1+L2+ 2)+ 2(L2+ 2)
Vi 1 1 1 1
—1 i
- ——=Vi|-—+—+—4+C Vol —+C
z < R, 1( RS+L1+L2+ 2>+ 2<L2+ 2>>
477!
—(Vp=V)C; ——=0 (4.73b)

-z

Note that in Phase 1 (i.e., Phase 3), the input capacitor Cy, the damping capacitor
Caa., capacitor C,, and the memory capacitor C charge the lower capacitor C,. This
charge upon inversion together with the input is used in Phase 2 (i.e., Phase 4) to
update the charge on memory capacitor C. The circuit can be obtained by pooling
all z~! terms and all non —z ' terms and realizing them using common capacitors/
switched-capacitors as shown. In the next Phases 1 and 2 (and Phases 5 and 6), the
memory capacitor of the other path comes into picture. Note that the SC branches
A’ and C’ have capacitors C4, whereas the branch B’ does not have Cyy.
The various capacitor values are as follows.

Ca__ —+C 7Cv _acaa 7C __JC _Ce - C7
L L @Rk R TR L e
1 1 1 C01C03
Co :Covco :CO,C =—+—+C _*7Cc:
1 2, C03 4,Cp L2+L3+ 2 R, ic,
4.74)

The reader may note the difference in the capacitor values. The RAM-type
branch is shown in Fig. 4.31a and the complete SC HP2-path filter is shown in
Fig. 4.31b.
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Palmisano and Montecchi [4.50] have suggested a technique for realizing z —
—z ¥ transformed SC filters. This method also uses differential-output differential-
input opamps. The basic RAM-type pseudo N-path cell is shown in Fig. 4.32a
together with the relevant timing waveforms. A differential 2-path SC lossless
integrator based on Fig. 4.32a is shown in Fig. 4.32b. In this circuit, Cr is the
integrating capacitor and the capacitors C; and C, form the storage array of
capacitors. The circuit is made stray-insensitive due to the availability of differential
outputs and differential inputs. When phases A and 1 are ON, capacitor C’' receives
charge from the input capacitor C'; and from the storage capacitor C”| which belongs
to the opposite path. This operation provides the needed sign inversion required by
the transformation. During Phase 2, the updated charge in C' is transferred back to
C'| in the storage array. This charge is held on C’; for two sampling periods.
The same operation is repeated during phase B with the charge stored on C”>.
The resulting transfer function is thus

VoutZ - V()utl Cl 1
H(z) = =_ 4.75
& = Vi G <1 + zz> @70

The application of this cell to realize sixth-order band-pass ladder filters is
shown in Fig. 4.32c. Note that the low-pass SC filter needs unswitched coupling
capacitors between outputs of certain opamps and inverting the input of certain
opamps which need to be replaced by switched capacitors so that the memory
function of the capacitors is realized by the RAM cells. The reader is urged to verify
the correctness of this approach.

Several N-path filter structures and variants have been suggested in the literature
with an aim to increase the frequency of operation for applications in video filters
and band-pass sigma-delta modulators. These are considered briefly in this section.

Quinn [4.51] and Quinn et al. [4.52] have suggested a technique known as
“charge redistribution” shown in Fig. 4.33a. Note that this three-path fully differ-
ential filter realizes a transfer function given by

1-p

= -

(4.75b)

where f§ = eQK_fff is chosen to realize the desired pole-Q and the center frequency is
fy/6. (Note that only the single-ended version is shown). The Q realized can be
shown to be 61%([{). The reader is urged to prove this. Thus Q realized is a function
of the ratio of capacitors. The circuit, however, uses four-paths to realize a delay of
three clock periods. A simplified single-ended version of this 4-phase circuit is
shown in Fig. 4.33b, which shows two antiphase filter paths. Initially, C, samples
Vin and C,, samples V,,,. After three clock periods, C, and C, are connected in

parallel to redistribute their charge realizing the transfer function for the path as

VUM{ Ca 273
= 4.75
Vie (C,+Cp)+Cpz73 (4.75¢)
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Fig. 4.32 (a) RAM-type pseudo N-path cell for realizing z—z " transformation for N = 2 with
timing waveforms, (b) differential SC two-path lossless integrator based on (a), and (c) sixth-order
band-pass SC filter derived from third-order low-pass prototype (Adapted from [4.50] © IEEE 1989)



4.9 High-Frequency SC Filters 321
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Fig. 4.33 (a) SC recursive charge-distribution bandpass filter having three paths, (b) simplified
version of (a) for two paths (Adapted from [4.51] © IEEE 1998)
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1/3
Evidently, f = (Cﬁhc,,) . A Q of 16 at a center frequency of 4.286 MHz has

been shown to be realizable with f = 0.9678. Quinn et al. [4.52] have extended the
work for realizing a 10.7-MHz radio IF filter for details of which the reader is
referred to their work.

4.9.3.4 SC N-Path Filters Using Double-Sampling

The double-sampling principle has been applied to N-path filters in order to increase
the over-sampling rate in sigma-delta converters. Liu et al. [4.53] have proposed a
pseudo 2-path band-pass filter shown in Fig. 4.34a which uses only one opamp per
stage. This circuit needs five clock waveforms (see Fig. 4.34b). The operation of the
circuit is as follows. In the circuit of Fig. 4.34a, the capacitors (C1,C;) and (C3,Cy)
are sampling capacitors and (C,1,C.2), (Cp1,Cpp), and (C.1,C.p) are storage
capacitors. All the capacitor values can be the same. For this circuit, at time #,
CIk1 is high, CIk2 is low, and CIkC1 is high. The input voltage is sampled on
capacitors C; and C,. The output voltage appearing at the capacitor pair C¢y, Cco
is given as

Vout(n) = Vin(n - 1) - Vout(n - 2) (4.76a)

where V;,(n — 1) was sampled to C3 and C4 at time (n — 1) and V,,,,(n — 2) is the
voltage on Cp,1,C), at time (n — 2). Note that C5 and Cy, transfer charge to C; and
C4 and Cy, transfer to C,. In this process, evidently, the charges on Cp,; and Cy,
have become zero. At time n + 1, the same operation continues and clock signal
CIkB1 is high. In this step, the input voltage is sampled on capacitors C3 and Cj.
The output voltage appears at the capacitor pair Cj1, Cpy. The charges on C,; and
C, also are transferred in this step to C,; and Cj,. It is evident that now C,;,C,, are
free. The charge transfer is described as

Vour(n+1) = Vig(n) = Vou(n — 1) (4.76b)

In the next step, a similar operation takes place but with input stored on C; and
C, and storage carried out on C,, C,, and capacitors with the old charge being C,;
and C,,. This cycle repeats. The charge transfer is described as

Vou(n +2) = Vig(n + 1) = Vou(n) (4.76¢)

Thus the transfer function realized is 271/(1 + 272). The circuit thus has
performed the double-sampling function. The frequency of clocks ClkAl, ClkB1,
and CIkC1 is two-thirds of the frequency of Clkl and Clk2, therefore the clock
feedthrough occurs at f/3, 2f,/3, and f; which are outside the pass-band.

The DSP2P (double-sampling pseudo two-path filter) described in Fig. 4.34a
cannot realize variable bandwidth since the application was for realizing a
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Fig. 4.34 (a) Double sampled pseudo two-path filter for realizing 71 + 273, (b) switching
waveforms (Adapted from [4.53] © IEEE 2000)

sigma-delta modulator. However, a variable bandwidth band-pass filter can be
realized using an alternative circuit due to Ng et al. [4.54] wherein they introduce
an additional degree of freedom. The operation of this circuit shown in Fig. 4.35a is
as follows. In this circuit using a three-phase clock and fully differential topology,
the integrating capacitor is made up of two parts: capacitors Cr4 and Cpu. During
Phase C, the input is sampled on the capacitor Cg,. In Phase A, the charge on Cgy
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Fig. 4.35 (a) DSP2P band-pass filter architecture with variable bandwidth, (b) clocking
waveforms (Adapted from [4.54] © IEEE 2005)

is updated on the capacitors Cr4, Cps. The signal is held for one clock period.
Later, in Phase C, only the charge in the feedback capacitor Cg, is transferred to the
integrating capacitor in the other path (in order to realize the inversion needed), that
is, Cg, in parallel with Cp,. As such, the circuit implements a first-order high-pass
filter. The transfer function realized is given as
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H(z) = 4.77)
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Note that double-sampling here is achieved using only three phases of the clock.
The center frequency is f/4 and is decided by the sampling frequency. The mid-
band gain is unity. The authors have demonstrated that a 44 MHz center frequency
band-pass filter with a bandwidth of 6.28 MHz using a clock frequency of 176 MHz
could be realized with very low power consumption since only one opamp is used.

4.10 High-Frequency SC Ladder Filters

High-frequency SC filters were first realized by using the double-sampling principle
by Choi and Brodersen [4.55]. Their proposed SC integrator is shown in Fig. 4.36a.
This is achieved by putting two sampling capacitors C, with opposite clock phases in
parallel as shown. The transfer function of this integrator is given by

_G

1 -
Vo=, <ﬁ) (Viz ' =Vy) (4.78a)

Note that the delay for the inverting and noninverting inputs is different.

The double-sampling integrator of Fig. 4.36a can be used to realize a biquad
based on the doubly-terminated second-order low-pass ladder filter of Fig. 4.36b
which works effectively at twice the sampling frequency as shown in Fig. 4.36c¢.
Note that the left integrator realizes a transfer function given by

V, . Cq 271/2
Vi Ci+Cy(1—2z71?2)

(4.78b)

clearly showing that the sampling frequency is doubled. The same is true for the
right integrator.

The design of high-frequency SC filters [4.56] involves lot of problems due to
high clock rates and resulting stringent requirements on settling time of opamps.
Most high-frequency applications also require large Qs (narrow bandwidths) lead-
ing to high sensitivity-to-capacitor ratios. Moreover, high-Q filters also need large
capacitor ratios. N-path filters discussed in the previous section have the advantage
that the center frequency is dependent only on the clock frequency. However, they
suffer from clock feedthrough due to mismatch of the various paths which will
degrade the dynamic range. Hence, there are some moderate Q applications, where
conventional techniques will be useful.
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Fig. 4.36 (a) Double-sampled LDI type integrator, (b) doubly terminated RLC prototype second-
order filter, and (c) a SC filter derived from (a) working in both phases ((a) and (c) Adapted from
[4.55] © IEEE 1980)

The operating frequency of the SC filter is mainly limited by the settling time of
the amplifier. However, the opamp gain still has to be large. At high clock frequen-
cies, the capacitor charging time should be small, implying the use of large switches
which in turn leads to high charge injection. The large feedthrough may degrade the
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effective settling time. Fully differential circuits are recommended so that the power
supply noise, which is a common mode signal, gets cancelled.

The sensitivity in high-Q band-pass filters has been analyzed in detail by Choi
et al. [4.56]. They have suggested the use of coupled identical resonators for
realizing narrow-band high-frequency filters. They have observed that at the pass-
band edges, the sensitivity of the magnitude of the frequency response to integrating
capacitors is Q times more than that to the coupling capacitors. Hence they have
recommended the use of identical integrating capacitors so that good matching can
be achieved. Thus, the center frequencies of individual resonators can be matched
well. The time constants of the integrators can thus track together. Moreover, this
can simplify the layout of the complete SC filter.

A sixth-order band-pass filter using identical resonators obtained from a third-
order low-pass prototype of Fig. 4.37a by using LP to BP transformation is
presented in Fig. 4.37b [4.57, 4.58]. Note that all the resonators have the same
pole frequency m,. Note that the coupling branches are inversely proportional to Q.
The resonators use two integrators in a negative feedback loop. All integrators have
the same time constants. The dotted lines show the additional coupling paths
needed in the case of elliptic low-pass filters of Fig. 4.37d derived from the
prototype of Fig. 4.37c. Some of these paths feed into the integrator outputs using
feedforward capacitors whereas those feeding into the inputs of the integrators are
sampling capacitors.

In high-Q, high-frequency filters, the coupling between resonators can need large
capacitor ratios. The coupling capacitors in such cases can be implemented using a
T-network scheme [4.56]. As an illustration, the original integrator and integrator
needing less capacitor ratio are presented in Fig. 4.38a, b. Thus, instead of a ratio of
100, a ratio of 10 will be sufficient. The gains of the amplifiers of Fig. 4.38a, b are,
respectively, as follows:

VO C] Vo Cl C4
o 2 ogpnd 22— —[—— (=2 4.79
v, o My, (Cz G, +C4> <c2> (4.79)

Typically, C,:C5:C;:C4 = 10:8:1:1 for realizing a gain of 0.01. Thus the maxi-
mum capacitor ratio is 10 instead of 100. The sensitivity to parasitics at the
intermediate node can be reduced by proper layout. The T-network scheme,
however, cannot be employed for the sampling capacitors and hence, alternative
techniques that convert the paths using sampling capacitors to paths using
feedforward capacitors have been suggested. These involve additional hardware
by rerouting the signal paths as shown in Fig. 4.37b.

The high-Q filters tend to have a low dynamic range since the noise gets
amplified by Q times in the resonators. As an illustration, the noise of the two-
integrator-based resonator in a high-order ladder filter can be modeled through the
use of two input-referred noise sources at the inputs of the integrators as shown in
Fig. 4.39. A simple analysis shows that
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Fig. 4.37 (a), (c) Prototype all-pole and elliptic low-pass filters (b) and (d) operational
simulation-based SFGs derived from (a) and (c) using LP to BP transformation (a,c Adapted
from [4.56] © IEEE 1983)
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Fig. 4.39 Schematic of the two-integrator loop including noise sources and source and load
termination realization (Adapted from [4.57] © IEEE 1986)

w, i w?
X1 =Yy + Var + (jﬁ) Vbk _J0Qp <1 — —k) Vi (4.80a)

Wk w?

At frequencies near resonance (i.e., wy), the v, and v, terms will be equal
in (4.82a) and thus both can be combined as a single source v,; with an amplitude
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V2 Vg OF V2 vy; . For a singly terminated filter (i.e., a resonator cascaded by a load
resistance), the output can be derived as

Vo = j:)"Q_Q Int =V Qv at o =0, (4.80b)
1 1 -2
+ W, < wz)

Thus, the combined noise source is amplified by Q.

Song and Gray [4.57] present an interesting discussion on the effect of LP-to-BP
transformation. Note that while using LP to band-pass transformation, the unity
gain frequency w,, of the integrators in low-pass filters is transformed to ®, which
is defined as Q = w,/2w,, and thus , is Q times higher than of the integrators
in the low-pass filter. Hence if the same size integrating capacitors are used in
the desired band-pass filters, the integrator resistor needs to be Q times smaller.
The advantage is that the noise power density is reduced Q times. The noise is
amplified by the two-integrator loop by O as shown earlier, the overall noise will
be 0?/Q = Q and the dynamic range of the band-pass filter reduced by /0. The
effect of LP band-pass transformation is summarized in Table. 4.1.

We next present some general observations on the design of high-frequency SC
filters. The pole-frequency of a SC integrator is given by

1 f.Cy
C 2nR. C1 2nCy

fo (4.81a)

where C; is the switched capacitor that realizes an equivalent resistance R, and f.
is the sampling frequency. As the frequency of operation of SC filters increases, Cy
shall be small for fast charging. Hence, C; must be small. Small values of C; lead to
higher noise as can be seen from the following expression;

4kT (2 + L% C?
Vaoise = M\/g (4.81b)
2n C[

thereby decreasing the dynamic range. Hence the integrating capacitor must be
large to decrease the noise level of the filter. The settling time constant of the two-
integrator loop can be derived as

(CI +CS) &
CI 8m

(4.822)

where g, is the transconductance of the opamp differential pair and C, is the load
capacitance. Typically y is between 2 and 4 for CMOS opamps. The wide band-
width for the opamps used in the SC filter needs smaller capacitances which lead to
large noise. The switches are large devices to reduce their on resistance but the
feedthrough effect will be more.
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The settling time of a SC integrator is typically given as

0
Tsettle < 7 (4.82b)

fe

where ¢ is less than 1 but close to 1. The settling time of the opamp should be
10 times the settling time of the integrator as a rule of thumb, which means from
(4.82a, 4.82b) that

10(Cr +C5) 7£.Cy
Cy 0

8m> (4833)

Assuming that the clock frequency f, is four times higher than f,,, the bias current
can be estimated from (4.83a) as

_800(C +C)* £ €

1 2 2
CI 0 u Cux (W/L)

(4.83b)

It can be noted from (4.83b) that the power consumption is quadrupled as
the center frequency is doubled. Only a small C; will reduce power consumption.
The increase of W/L will not help much since large devices add their own parasitic
capacitance to Cy.

4.11 SC FIR Filters

Several architectures have been described in the literature for realizing FIR filters
[4.59, 4.60, 4.61, 4.62, 4.63, 4.64, 4.65, 4.66, 4.67, 4.68, 4.69, 4.70]. Reddy and
Swamy [4.59] described the use of a SC FIR filter (see Fig. 4.40) for which the input
samples b; were output bits of a delta modulator. Hence, these bits, stored in an
analog shift register (SR), effectively form a delay line. The SC network weighs
these bits based on the tap weights realized using the capacitors Cy, C, and so on,
and sums them in real-time using the opamp and feedback capacitor Cx. The
capacitor C, together with Cy realizes a lossy SC integrator so that a low-pass
filtering function is also carried out. The lossy integrator is offset-compensated
using the additional switches and capacitor C,;, by storing the offset in the even
phase and employing it in the odd phase as explained later.

Reddy and Swamy [4.60] have also described the application of the real-time
summation capability of SC networks to realize a discrete Fourier transformer. This
follows the straightforward approach for the realization of FIR filters by having a
tapped delay line and weighing the taps by the desired coefficients and summing the
weighted samples. Each of the DFT points of a sequence x,, X1, X2, X3, ..., X, _ 1
may be expressed as the outputs of band-pass filters with a FIR transfer function
given by
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Fig. 4.40 SC FIR filter realization to work on the output of Delta modulator (Adapted from [4.59]
© IEEE 1983)

N-1 2n ., 1—zN
H;(z) = ano exp (—jﬁflk) 7" = o (4.84)
1 —z1exp <jnk)

Each H;(z) can be expressed as transversal filter realization and the coefficients
of the transversal filters can be made real by combining (taking sum or difference)
of Hi(z) and H,, _ (z). An example four-point DFT implementation is shown in
Fig. 4.41a and its SC implementation is presented in Fig. 4.41b.

Interestingly, in SC filters, once a delay line is available, the weighting and
summation can be performed in one clock cycle using a switched-capacitor-based
summer needing just one opamp as has been seen in the case of Fig. 4.40b. The
stray-insensitive delay of Enomoto et al. [4.61] using a three-phase clock can
be used to realize the complete FIR filter. The tapped outputs of the delay line are
simultaneously converted into charges by different feedforward SC branches and
summed using separate opamps to obtain the various DFT outputs.
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Fig. 4.41 (a) Architecture of four-point DFT computation using frequency sampling approach,
and (b) SC implementation of (a) (Adapted from [4.60] © IEEE 1983)

One of the disadvantages of the above technique of using a tapped delay line
comprising several unit delay stages is that the errors in delay stages due to the offsets
of opamps will add up due to the transfer through the analog delay line. On the other
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hand, if a parallel approach is taken, these cumulative errors can be avoided. Lee and
Martin suggested such an approach to realize multiple FIR filters on a single chip [4.63].

Fischer [4.64] has suggested, the use of N-path filter architectures using
circulating delay-type shift register described earlier in Sect. 4.9.3.3 in connection
with N-path filters, for realizing FIR filters using one opamp. A three-stage stray-
insensitive delay line is presented in Fig. 4.42a which needs a four-phase clock as
shown in Fig. 4.42b. In Phase 1, the input is acquired on capacitor C,, and in Phase
4, the acquired charge is transferred to capacitor C4. In phase 4, the capacitor C is
discharged, since it contains old sample which will no longer be needed.

Next in the following Phase 1, the charge on capacitor C; is transferred to C,
(implying that C, is discharged). Next, in Phase 2, the charge on capacitor C3 is
transferred to C, (implying that C3 is discharged). Finally, in Phase 3, the charge on
capacitor Cy4 is transferred to C; (implying that C4 is discharged). The opamp
facilitates the charger transfer during these phases. The output voltages in various
phases taking into account the finite opamp gain can be derived as

_ Co 1 Co _, Cy
Voa=2 1V —(1—-— (1422122 4.85
o4 z nl Cs ( A, ( + Ca z Cs ( a)
_ Co 1 Co Cy _(Cs C3

Vs =24V 21— — 1+ 42 (2242 4.85b

3=z 1C3( A0(+C4+C3 z C3+C2 ( )
_ Co
V=24V, —
2 z 1 C,

1 Co Ci C3 Co _,(Ci C3 G
l—— (1420423 22 422 4.85d
><< Ao( tata et (C3+C2+C1>>> (4.85d)

Note that the delays are fractional delays of a clock cycle which can be made
integers by appropriate delay in the summing amplifier realizing the FIR filtering
operation. Note that the circuit of Fig. 4.44a can be offset-compensated using the
arrangement of Fig. 4.42c. The reader is urged to verify this. Evidently, the opamp
is connected as a buffer in Phase 1 in order to sample the offset voltage of the
opamp. For this reason, there is a reduction in the number of active phases of
the clock unlike in the circuit of Fig. 4.42a where V is also available.

A FIR filter can be realized as shown in Fig. 4.42d by tapping the outputs in
various phases and charging capacitors C,; with these outputs. Then, all these
capacitors are discharged during Phase 1 to capacitor Cpg. The ideal z-domain
transfer function can be obtained as
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Thus the seven coefficients of the FIR filter are determined by C»g, Cas, - . ., Cao
and the remaining capacitors are for scaling purposes only. However, they need to
be equal for maximum signal swing.

Fischer [4.64] has also pointed out that cascading two stages also is feasible
using a single opamp. This has the advantage that the resulting cascade of two FIR
filters may have low sensitivity to coefficient errors. A sixth-order filter realization
using a cascade of fourth- and second-order FIR filters is presented in Fig. 4.42e for
completeness. Note that the two capacitors C4 and C,g can have arbitrary values.
The two transfer functions realized are, respectively,

H (z) = ,=3/8 Cio

(@ Can
Cos

1 . Cn 5, Cu 4 _4>
L L (4.87a)
Cio Cn Ciz Ci3

58 Coa (C30  C31 _ _
H, (z 225/8<—|—z Y4z 2) 4.87b
) C \Cu Cys ( )
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Thus, the coefficients of the first fourth-order FIR filter are determined by C»g4,
Cs3, ...,Cyo only and the remaining capacitors are for scaling purposes only.
Similarly, by choosing C,4 = C,s, the coefficients of the second-order FIR filter
are determined by Cs;, C3q, and C3o only and the remaining capacitors are for
scaling purposes only. However, for maximum signal swing, C4 = Cjo and
C,6 = Coy are recommended.

A half-delay circuit can be implemented [4.69] using the circuit of Fig. 4.43a.
Note that the capacitor C; is charged by the input voltage in Phase 1 and this
capacitor is connected across the feedback path of the opamp in the Phase 2. During
Phase 2, another capacitor C; is charged with the input voltage and this capacitor is
put across the feedback path of the opamp in Phase 1. Thus, effectively a half clock
cycle delay is realized. Note, however, that during the interval between Phases 1
and 2, the opamp feedback loop is open. Note also that there is no need for any
matching of capacitors.

A stray-insensitive delay has been described by Enomoto et al. [4.61] which uses
a three-phase clock. In this circuit, shown in Fig. 4.43b, the capacitor C, is charged
to the input voltage in Phase 1. Its charge is transferred to the feedback capacitor in
Phase 3. In Phase 2, the memory of the capacitor is destroyed by discharging the
feedback capacitor. In Phase 1, the output is sampled by the next stage thus
effectively realizing a delay.

Another stray-insensitive delay using a two-phase clock [4.70] is presented in
Fig. 4.43c. In this circuit, in Phase 1, the capacitor Cy; is charged to the input
voltage and the charge acquired is transferred to capacitor C, in Phase 2. In the
next Phase 1, the charge on capacitor C, is transfered to the input capacitor C,; of
the next stage. Note that XY feedback needs to be used to stabilize the circuit during
the interval between Phases 1 and 2.

4.12 Compensation of Finite Gain and Offset Voltage
of SC Integrators and Amplifiers

4.12.1 Offset and Finite Gain Compensation in Integrators

At the outset, it may be noted that the effect of opamp input-referred offset voltage as
well input-referred noise can be analyzed in one step since both of these have the
same transfer functions to the output of the circuit. On the other hand, the finite gain
of the opamp can be modeled by an input voltage of —V,./A and —V,,/A at the
inverting input terminal of the opamp. Thus, by considering effective input voltage at
the opamp input as Vo, + Ve — VA in the even phase and similarly Vg, + Vo — Vg”
in the odd phase, the transfer function can be derived easily. The basic principle of
reduction of the effects of opamp offset voltage or noise or finite gain is to sample
these during the actual operation of the circuit in one phase and subtract them from
the ones occurring in the other phase. It is expected that the noise, offset voltage, and
finite gain error are correlated during the sampling and subtraction phases.
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Fig. 4.43 (a) Stray-insensitive SC half-delay circuit due to Nagaraj, (b) SC delay circuit using
three-phase clock due to Enomoto, Ishihara, and Yasumoto, and (c¢) SC delay circuit using two-
phase clock due to Gillingham ((a) Adapted from [4.69] ©) IEE 1984, (b) Adapted from [4.61] ©
IEE 1982, (c) Adapted from [4.70] © IEE 1982)

The first offset compensation scheme for a lossy integrator was suggested by Fan
and Gregorian [4.71, 4.72]. This circuit is presented in Fig. 4.44a. The transfer
function of this circuit in the , phase is given as
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 Vieos 72+ (Vogo — Ve 7712) (o3 + 1 +1) + Gt (Vogre — Voo 2 1/2)

Voo = o 1-Ct
(061 +(1 —z71) _5_%)

(4.88)

In the even phase, the output of the amp is equal to the offset voltage since the
opamp is connected as a buffer. The integrator function is achieved by storing the
output on capacitor C, which acts as a memory. The loss is realized by discharging
the capacitor «C in the even phase. Considering that the offset voltages in the even
and odd phases V¢, and V¢, are correlated, the effect of the offset voltage of the
opamp is eliminated in the output V,,,. On the other hand, the finite gain effect is still

present as seen from the term in the denominator. The dc gain can be seen from
03
(4.88) to be —.
o o3 4o +1 e

A A
In the case of a lossless integrator (i.e., o = 0), the dc gain is

a3+ o+ ciﬂcu .
The circuit has the disadvantage that the transitions at the output of the opamp
from signal level to ground restrict the speed of operation of the circuit.
Another offset compensation scheme for an integrator due to Haug et al. [4.73] is
shown in Fig. 4.44b. Note that in (5, the capacitors C; and C, act as an integrator
realizing the transfer function

Vi C1+ Vg (C24+Cr (1 —271) = Vg €y 712

VO
’ Cy(1—2z71)

(4.892)

under the condition C3 = C;. It may be noted that the output in the even phase is
close to the output in the odd phase. Thus, the opamp need not slew to ground
voltage and quickly adapts to the output signal. The dc gain of the integrator due to
the finite opamp gain A can be derived as (A* + 24) which evidently is larger than
that for the circuit of Fig. 4.44a. The output in Phase 1 is

—Vi, 2712 ¢
Voo =——F—— 2V 4.89b
G, (1—z71) o (4.890)
Another circuit for compensating the offset of the opamp [4.74] is shown in
Fig. 4.44c. In this circuit, the input is fed forward using capacitors C5 and associated
switches. Note that the condition C; = Cz and C, = C,4 will be required. The input
needs to be held over a clock period such that V;, = ,—027” 2. The output in the even

phase is close to the output in the odd phase. The dc gain of this compensated

. . . 2
integrator is given by Cfi féz + A%C‘jczcﬁ

Fig. 4.44b. The output in Phase 1 is

which is less than that of the circuit of
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An interesting technique has been suggested by Lam and Copeland [4.75] which
is presented in Fig. 4.44d. This uses an auxiliary memory capacitor C;. In Phase 1,
the output can be shown to be given by

Vv
Vie Ci+ Voo Co(1-271) = (vgffe IRTIRSIE —f>

x (C1+Cy(1-27")) (4.90)

Note that the offset compensation is achieved whereas finite gain is not
compensated. The dc gain of the integrator is A. On the other hand, in the ¢, phase,
the output slews to V. This circuit, however, has led to numerous other circuits for
finite gain and offset compensation using the concept of having a memory capacitor.



342 4 Switched Capacitor Filters

Nagaraj [4.76] has suggested the circuit shown in Fig. 4.44e for opamp finite gain
compensation. In this circuit, in Phase 1, the capacitors C3, C4 form an integrator.
The error due to the finite gain of the opamp is stored on C;. In Phase 2, the capacitors
C, and C, function as an integrator and the stored error on C; is used to cancel the
error that would otherwise have occurred. The output in Phase 2 is given as

o~ Voo =Vope 27'2)(C1 +Ca (1 =271) — Vi € (“.91a)
00 C, (1 —Zﬁl) .

under the condition C; = C; and C4 = C, and the condition V;, = ,—027” 2 The
output in Phase 2 is offset-free. The dc gain can be shown to be the same as that of
Fig. 4.44c. The output in phase 1 in the ideal case A = oo is

Vi zV2C1 Vie €1 Vo (C1+Co+C (1 —271))
V. = — 4 491b
G (1 =z G C, ( )

4.12.2 Compensation of Opamp Offset and Finite
Gain in SC Amplifiers

Gregorian [4.71] has described a technique for compensation of the offset voltage of
the opamp in SC amplifiers as shown in Fig. 4.45a. In Phase 1 (even phase), the
opamp is connected as a buffer thus making the offset voltage of the opamp appear at
its output terminals and charging the capacitors C, and C, to the offset voltage.
At the same time, the input voltage is sampled. In Phase 2, the capacitors C; and C,
perform the amplification operation. However, the already sampled offset voltage in
Phase 1 will effectively be subtracted from the offset voltage of the opamp in Phase
2 (odd phase). Note that the offset voltages in both Phases 1 and 2 are correlated and
hence are likely to be almost the same. This operation is known as “correlated double
sampling” (CDS). The transfer function of the amplifier can be derived as

. C, 172 Vie +(C1 +C2)(V(,ﬁb —Vqﬂb Z_1/2>

VOO
Ci+C
Cr + 1

(4.92)

It is thus seen that the finite gain of the opamp still is not compensated but the
offset is totally eliminated since Vg and V,z, will not change during adjacent
clock periods. The disadvantage of the circuit is that in one phase of the clock the
opamp output needs to return to ground thus limiting the speed of operation. The
opamp shall have a high slew rate and fast settling time.

Haug et al. [4.74] have suggested another offset compensation circuit that also
compensates gain. This circuit, shown in Fig. 4.45b, has the same subcircuit
comprising C; and C, and associated switches as in Fig. 4.45a whereas the rest of
the circuit is different. The advantage is that the opamp output voltage will be
approximately the same in both phases.
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Fig. 4.45 SC amplifiers with offset and gain compensation due to (a) Gregorian, (b) Haug,
Temes, and Martin, (c¢) Larson, Martin, and Temes, (d) Yoshizawa and Temes, and (e) generalized
circuit obtained from (b) to (d) ((a)-(d) Adapted from [4.72] © Elsevier 1980, Adapted from [4.73]
© IEEE 1984, Adapted from [4.79] © IEEE 1987, Adapted from [4.80] © IEEE 2007)

Larson et al. [4.79] have described a wideband gain and offset compensated SC
amplifier architecture shown in Fig. 4.45c. Although the subcircuit comprising C,
and C, and associated switches is the same in this case as in Fig. 4.45a, the rest of
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the circuit is different. In this case, the input is also fed forward using capacitor C;
and feedback exists through Cj.

Yoshizawa and Temes [4.80] have recently described another wide-band
gain compensated amplifier presented in Fig. 4.45d which is an extension of
Fig. 4.49b. In this case, the input is also fed forward using capacitor C;, and
this circuit needs a negative input voltage —V;, which may be available in
differential-mode circuits.

The circuits of Fig. 4.45b—d can be unified into one circuit for the purposes of
analysis as shown in Fig. 4.45e. Note that in all the cases

Voo Co—Vie C1 272 H(C14+Co) (Voo 272 = Vo) = 0

holds and thus the offset voltage is compensated. The transfer function of the circuit
of Fig. 4.45e can be obtained as

. Vie 271/206 — Voﬁfgﬁ

Voo = 5 (4.93a)
where
C +C
( 1 4 2) (Cr+C3—Cin(1—27")) = C1 (C4+Cy)
o= (4.93b)
CCi(Ci4+C+C3+C+C+Cin (1 =271
A
C +C
p= <IZ2> (O3 +Ca+ G+ Ci (1 —271)) (4.93¢)
and

D=-C (C4+Cs)
(C1+C2)(Ca+Cs) +C2 (C1 +C2+C3+C,+ Cs+Ciy (1 — 271))
A
N (C14C2)? 27 —(C1+C)(CL+Ca+ C3+Cy + Cs +Ciny (1 — 271))
A2

(CS +C2)(C] +C2) 71
+ A

(4.93d)

It can be easily verified that using an infinite gain opamp (i.e., with A = 00), the
gain of the amplifiers of Fig. 4.45b—e is C;/C,. Note from (4.93) that the output V,,
has a filtered V,4./A component which is much less due to the factor 1/A. For the
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circuits of Fig. 4.45b, d, the dc gain is the same since C;, does not come into
the picture for dc gain evaluation. The dc gain is independent of A to a first-order:
&(1+3)

1+4+&25)

Age = (4.94a)

Evidently, the dc gain is compensated and the offset voltage is attenuated. In the
case of the Larson et al. [4.79] circuit of Fig. 4.45c (under the condition C; = C;,
=0,C3 = C; and C4 = C5), the dc gain can be seen to be

Ci
Age = G (4.94b)

2
+1(2+%8) + % (949

In this case also, the gain is not compensated whereas the offset is attenuated by A.

Nagaraj et al. [4.76] described another wide-band finite gain compensation scheme
as shown in Fig. 4.46a. Note that as before in the case of SC integrators of Fig. 4.45d, e,
a memory capacitor Cy; is added to store the offset voltage in one phase and use it in
another phase for offset compensation. This circuit needs a sampled and held input.
The symmetry of the upper and lower SC circuits excluding Cy and the switch S, can
be noted. A modification of the circuit due to Yoshizawa and Temes [4.80] which uses
a different compensation circuit in the lower branches is shown in Fig. 4.46b. The
transfer function of both these circuits can be obtained in a unified way as

Voo =—= (4.95a)
where

N =(Viy €1+ (Voo = Vo 772) (€1 +C)) (Cat- € +5)

Ci+C
Y. (%) (Voo — Vie (C3 — Cin (1 —271) (4.95b)
and
_ m Ci+C C, (Cl +C2) 7!
_ <C4+C5+Z) <C2+ . ) - ; (4.95¢)
m=(Cy+Ci)1 =2z +C3+Cy+C, (4.95d)

Both circuits of Fig. 4.46a, b are not affected by the offset of the opamp. The dc
gain of V,,,/V;, under the condition A = oo, can be seen to be —C;/C,. On the other
hand, the dc gains of both circuits are, respectively, as follows.

(C1+C)
~Vio & (14 2552)

14200

Voo =

o) (4.96a)

A’
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Fig. 4.46 SC amplifiers with offset and gain compensation due to (a) Nagaraj et al. [4.76] and (b)
Yoshizawa and Temes [4.80] ((a) Adapted from [4.76] © IEEE 1987 and (b) Adapted from [4.80]
© IEEE 2007)

Ve (1+3)

o =

v, (4.96b)

4.13 Distortion in SC Filters

SC filters have several nonidealities associated with switches, capacitors, and
opamps [4.81, 4.82, 4.83].

The capacitors used in SC filters have nonlinear voltage dependence which can
be described as
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C(Ve)=Co(l+a1 Vetar Vi+..) (4.97)

where V. is the voltage across the capacitor, C, is the nominal value of the
capacitance at the quiescent voltage, and a; and a, are the linear and quadratic
coefficients, respectively. The second and third harmonic distortions arising since
of this nonlinearity can be expressed in terms of the input peak voltage V;, and
output voltage V,,, as

A
HD, = % V24 (2) . w, T, < 1 (4.982)
ar 2 Vlz
HD; =7 (V2+5), o <1 (4.98b)

where V;, o, are the amplitude and radian frequency of the input signal and T is the
period of the sampling clock.

The second-order distortion is proportional to the output voltage whereas the
third-order distortion is proportional to the square of the output voltage. Note that
by using fully differential structures, it is possible to cancel to the second harmonic
distortion. The following discussion assumes the use of fully differential amplifiers.

The other nonlinearity is since of the amplifier open-loop gain nonlinearity. The
nonlinearity of the amplifier open-loop gain can be expressed as

Vo=aiVi+aVi+aVi +..) (4.99a)

where V and V,, are the amplitudes of the input and output voltages of the opamp,
and a; and a, are the linear and quadratic coefficients. The resulting second-order
and third-order harmonic distortion are:

2
ay Va
HD, =2 v, /1 w,T. < 1 4.99b
2=24p +(2v,) @ole < (4.99b)
as 2 Vo
HD; = Vell T, 1 4.99
Sy ( +3v1>’“"’ ¢S (4.99)

where f§ = lef & is the feedback factor of the integrator.

Distortion also can be caused by the slew rate of the amplifiers. This is illustrated
in Fig. 4.47. The ideal staircase type of waveform in the output stage, waveform
with exponential rise, and slew-limited waveforms are shown in Fig. 4.47a—c,
respectively. The errors between (b) and (a) and (c) and (a) are shown in
Fig. 4.47d, e, respectively. When a capacitor with an initial voltage larger than /2
(Vs —Vru) where (Vgs — Vpp) is the bias voltage of the input transistors is
suddenly switched across the amplifier input, the amplifier output is slew-rate
limited; that is, the output is no longer proportional to the input. Thus, the output
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of the amplifier after the end of linear settling time following a slewing time has
some “memory” of slewing itself. This causes nonlinearity on the envelope of the
signal. The resulting kth harmonic distortion is given by

S(Sin(”"zT‘))Z( Vo )
HD, = k=1,3,5,7,.. 4.100
k nk(k2 _4> S, T. 3y Iy 1y ( )

where S, is the slew rate of the opamp. This distortion is caused only by the last
opamp unlike those discussed earlier. It can be reduced by increasing the ratio
between input signal overdrive and the peak of the sine wave signal since slewing
time is shorter. Furthermore, having a large bandwidth for the opamp helps since
the opamp can settle quickly and has less memory of slewing.

The ON-resistance of the switches also introduces nonlinearity. This leads to
incomplete charging of the switched-capacitors. The ON-resistance can be
represented as

Ron(V,) =Rono(1+ p\V, + poVi+..) (4.101)

where Ry, is the nominal value of the switch resistance at the quiescent voltage, V.
is the common source-drain voltage of the switch, and p, and p, are the linear and
quadratic coefficients, respectively.

We next consider the signal-dependent charge injection of the switches. Using
the optimum four-phase clock, this can be reduced. Typical two-phase and four-
phase clocking waveforms used in a SC circuit of Fig. 4.48a are shown in
Fig. 4.48b. These waveforms can be considered to have five distinct time slots as
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Fig. 4.48 (a) A fully differential SC integrator, (b) conventional two-phase clock, and (c) a four-
phase clock to reduce charge injection (Adapted from [4.81] © IEEE 1985)

shown. In time slot 4,,, differential error is introduced when the ON resistances of
M, and M, are not equal. This error can be minimized by using complementary
switches so that the resistance variation with drain-source voltage is small.

4.14 Low-Voltage SC Filter Design Techniques

Low-voltage circuits may have reliability problems [4.84]. The CMOS circuit
failure is due to device breakdown which could be for the following reasons: (a)
oxide breakdown, (b) gate-induced drain leakage, (c) hot-electron effects, and (d)
punch-through. CMOS technology is designed in such a way that all the
degradations occur at the same stress level.

Instantaneous and time-dependent gate-oxide breakdowns limit the maximum
gate-source and gate-drain potential differences that can be applied to a transistor.
Similarly, gate-induced drain leakage (GIDL) tunneling current limits the voltage
across the oxide. Furthermore, when the device is on, hot-electron effects can
damage the device and degrade the performance over time, limiting the V,; and Vg
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that can be applied. Finally, punch-through limits the magnitude of V,; when the
device is off. If these critical terminal voltages V, V., and V,, are kept within the
rated operating voltage V,, of the technology, the device reliability can be assured.
It may be noted that the above voltages are relative to each other and not to ground.
Thus, absolute V, referenced to ground may exceed the rated Vg, if Voo < Vg is
maintained. Care must be taken to see that the source to substrate and drain to
substrate junctions do not exceed reverse breakdown voltages. These breakdown
voltages are typically larger than the supply voltage since the substrate is doped
much less than source and drain diffusions.

A critical problem in designing low-voltage SC circuits is the difficulty of
implementing switches. As a result, at low power supply voltages, the power
dissipation in fact increases. This can be seen from the following analysis [4.84].
The power dissipation of a SC circuit can be written as

P oo IV (4.102a)

Next, the bias current of the OTA is given as
100 g (Vs — Vr) (4.102b)
The bandwidth of the OTA evidently is given as

8m

C o fi (4.102¢)

where C is the load capacitance and f; is the sampling frequency. Noting that the
dynamic range is the ratio of the signal swing (a fraction of V,; = aV,,) squared
over the sampled thermal noise as

Vo2
DR oo ((O;Tj?) (4.102d)
combining the above relationships we have
Vs —V
P oo kTDRF, ( . Vddt) (4.102¢)

Evidently, as V,, decreases, power dissipation increases. It is thus important to
use circuits that maximize the available signal swing .

Several approaches have been suggested for the design of low-voltage SC filters.
These are (a) the use of low threshold voltage devices, (b) switched-opamp technique,
(c) use of on-chip clock multipliers, (d) use of local switch bootstrapping, and (e) using
unity gain reset opamps. The use of low threshold devices [4.85] is a high-cost
technology. Moreover, the leakage current increases and causes charge loss thereby
leading to harmonic distortion [4.86]. We consider hence the other techniques next.
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Fig. 4.49 Conductance of a os
minimal size complementary
switch (a) for Vpp =5V,
and (b) for Vpp = 1.5V
(Adapted from [4.88]

© IEEE 1997)
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4.14.1 Switched-Opamp Technique-Based SC Filters

A technique that has received considerable attention for designing low-voltage SC
filters is the switched-opamp technique [4.87, 4.88]. At low voltages, the telescopic
cascode type of opamp may not be attractive due to the low swing that is available.
Hence two-stage Miller-compensated opamps will be the best solution. As supply
voltage decreases, the overdrive voltage of the CMOS switches will decrease and
hence the switches will turn off. This is illustrated in Fig. 4.49a, b for a supply
voltage of 5 V and for a supply voltage of 1 V. For a supply voltage of 5 V, the switch
will have a minimum resistance of gg,,,:,. On the other hand, for a supply voltage of
1 V, a critical region around V,p/2 exists when both transistors are OFF. Hence any
switch connected to the output of the opamp does not operate properly. A possible
way to ensure that switch S operates properly is to bias the opamp output close to
ground or close to the positive supply but the swing will be less (see Fig. 4.49b).
In the switched-opamp technique, the switch following the opamp in conven-
tional SC integrators (see Fig. 4.50a) is eliminated by having an opamp that can be
switched ON or OFF. In the conventional inverting integrator of Fig. 4.50a, switches
S5, S3, and S4 have their source nodes always connected to reference voltage Vg or
virtual ground. The virtual ground also is kept on Vg gr by the feedback system. Hence
the maximum Vpp needed is Vpger + Vi + Veer Where Viegr = Vpgsarn
+ (Vgwing/2). On the other hand, the switch S; needs to handle an input signal coming
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from the output of a preceding opamp. Hence the minimum power supply needed is
Vpssat + Vin + Vpssatn + Viwing. Note that eliminating this switch is not possible
since otherwise the transistor S3 short-circuits the output of the opamp to ground.
However, it is possible to switch OFF or switch ON the output stage of the opamp.
This stipulates a restriction that the opamp has to drive and integrate in the same
phase (when it is ON). Thus, modification of the basic SC circuits of Fig. 4.50b will
be needed. The resulting circuit is shown in Fig. 4.50c which needs three opamps.
An extra noninverting half delay is realized using opamp A,. The switched opamp-
based integrator is shown in dotted lines in Fig. 4.50c.

A typical switched opamp is shown in Fig. 4.50d which is the conventional two-
stage CMOS opamp with frequency compensation. The additional transistors M,
and My realize the switched opamp function by switching off the current mirror
function realized by transistors Ms—M- as well as the transistor Mg. The PMOS
switch Mo operates with any input voltage larger than Vy,, + Vg, since its source
is connected to the power supply. A clock “high” state causes M to be OFF and the
current mirror will act in the normal manner. A “low” clock state turns Mo ON and
disables the current source transistors. The opamp is switched OFF. For fast
switching ON, the transistor Mg needs to be large and has a width equaling the
sum of the widths of all the devices it drives. The additional transistor My is
required to interrupt the current path through Mg so that the capacitor C. is not
discharged. The size of My is such that the voltage across it during the ON state of
the opamp is quite low. Furthermore, its presence should not degenerate the gain of
the opamp. Note also that the clocks used to control My and My should be
synchronized.

The switched opamp technique introduces extra active elements (one per inte-
grator, except at the input), thus increasing the chip area. The power consumption is
not, however, affected since the opamps are turned ON only in one half of the clock
period.

Baschirotto and Castello [4.89] have suggested some improvements for the
switched opamp technique that are described next. In the steady state, in the
switched opamp-based integrator redrawn in Fig. 4.51a, the condition V4. —
V., =V, — V4 will hold. Under this condition, no charge injection into the virtual
gi‘ound node occurs. In this circuit, considering the threshold voltage V; = 0.9V,
Vop =15V, Vo =V3 =V4 =V ae = Vourae = Vrer = 425 mV, the output
swing is 550 mV. It can be seen thus that the dynamic range of the scheme
of Fig. 4.51a is much less than the power supply voltage. Another limitation of
the above circuit is that the opamp is switched OFF completely during one
phase. This will cause a long turn-on time thereby decreasing the frequency of
operation.

Baschirotto and Castello [4.89] observe that the power supply voltage can be
reduced to Vg + 2V, and rail-to-rail operation is possible with suitable modifi-
cations. They suggest that only the second stage of the opamp needs to be shut off
and the charge stored on the compensating capacitor is maintained during the OFF
phase of the opamp. Thus high frequency of operation can be feasible. In addition,
a fully differential topology also is recommended. In their circuit, whose
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Fig. 4.51 (a) A switched opamp-based SC integrator, and (b) modification to achieve indepen-
dent setting of common mode input voltage and quiescent output voltage (Adapted from [4.89]
© IEEE 1997)

single-ended version is shown in Fig. 4.51b, a switched capacitor Cp is used to pump
a fixed amount of charge into the virtual ground to define the opamp input common
mode voltage. Thus, the common mode voltage is decoupled from the opamp output
dc voltage. In the steady-state condition, CpcVpp + CinVourae = CinVobp-
Choosing Cpc = Cin/2, we have Voyr.a. = Vpp/2. Thus, simultaneous optimiza-
tion of the switch operation and signal swing is achieved. Thus, a V;, 4. of ground
can be achieved. During the turn-on transients of the switch, due to charge injection,
negative spikes result at the inverting input of the opamp which may forward bias
the bulk diode (shown in dotted lines) at the input terminal of the opamp. This
transient can be reduced by the charge injected by Cpc simultaneously. All the
switches (realized using NMOS) are connected either to ground or connected to
Vpp (realized using PMOS). Thus, the minimum supply voltage required is Vg +
V., where V,, is the overdrive voltage.
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4.14.2 Clock Boosting Technique

Giustolisi et al. [4.90], and Aloisi et al. [4.91] have described a clock boosting
technique that is considered next. In this circuit, shown in Fig. 4.52a, transistors Mg,
and Mp, form an inverter. When V¢, « is high, the capacitor Cp; is precharged to Vpp
through transistor Mp;. During this phase, the load capacitor Cp; is discharged
through Mps which is ON. Transistor Mp, is open during this phase. In the next
phase when V¢ k is low, M3 is OFF, M, closes, and Mps is OFF. Thus, the supply
voltage Vpp gets added to the precharged voltage available on Cg, to supply 2Vpp to
the load through Mp,4. The output voltage tries to reach 2V, but during the last part
of the transient, the bulk junction of Mp; clamps the output to Vjp + 0.6.

Another well-known multiplier circuit [4.82, 4.92] is shown in Fig. 4.52b.
It consists of four transistors M;—M, driven by a two-phase clock. It needs two
capacitors C4 and Cp. During ¢4, C, is charged by the battery voltage V,,,,, and Cp
supplies current to the load. During ¢,, C,4 is connected between the battery and Cp
and supplies current to the load and Cp itself. Hence, the top plate of Cp rises to almost
twice the battery voltage V,,, after many clock periods. However, the V.. value is not
predictable depending on the load and on temperature and process spreads via
resistances of M;—M,. Moreover, it also depends on the state of the battery itself.

An improved regulated power supply can be built using the circuit of Fig. 4.52c.
Note that a feedback path is included to control the ON-resistance of M, during ¢;.
This feedback applies a proportional as well as an integral transfer function to
V1=V, that are scaled down with respect to V¢ and to a precise internal reference
Vca thus forcing V7 to be equal to V5.

R3 R>
Vee =V, 14+—= 4.103
cc M (R3 —|—R4> < R1> ( )

It may be noted that a ripple is superimposed on V¢ at the multiplier clock
frequency but this only leads to very small offset and clock feedthrough at the SC
filter output.

4.14.3 Local Switch Bootstrapping

The concept here is to maintain fixed voltage across the gate and source which is
signal-independent. One such circuit [4.84] is shown in Fig. 4.53. In this circuit, the
actual switch is M. The clock ¢ turns this switch ON and OFF. During the OFF
phase, ¢ is low. Devices M7 and M, thus conduct grounding the gate of M. At the
same time, Vpp is applied across capacitor C5 through M3 and M, and devices Mg
and My are OFF. Thus, Cj is isolated while it is charging. When ¢ is high, M is
OFF, M5 pulls down the gate of My thus first connecting gate G of M, to the battery
capacitor C3. Thus both Mg and M, will turn ON thereby applying Vp across gate
and source terminals of the switch which is kept constant independent of the input
signal at the source. Since the body of Mg is tied to its source, latch-up is
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Fig. 4.52 (a) Clock booster
schematic, (b) classical
voltage multiplier, and (c)
regulated voltage multiplier
((a) Adapted from [4.90] ©
IEEE 2000, (b) and (c)
Adapted from [4.82] © IEEE
1996)
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Fig. 4.53 Switch bootstrap circuit due to Abo and Gray (Adapted from [4.84] © IEEE 1999)

suppressed. Device M7 reduces the V4, and V,, experienced by Mo when ¢ = 0. C3
must be sufficiently large to supply charge to the gate of the switch in addition to
parasitic capacitances C,, in the charging path, where C, is the parasitic of the top
plate of C3. In the design of [4.84], C5 is typically 0.5-1.8 pF which is six times C,,.
The gate voltage is given by

Cs
Ve =Vs+V, —_— 4.104
G s+ Vop <C3+Cp) ( )

The transistors M, M, and capacitors C; and C, perform as a clock multiplier
[4.93, 4.94] that enables M3 to unidirectionally charge C3 during the OFF phase.
The operation of the clock multiplier is as follows. The capacitors C; and C, are
charged to Vpp via cross-coupled NMOS transistors M;and M,. When the input
clock CK goes high, the output clock CKgw approaches a value slightly less than
2Vpp due to charge sharing with parasitic capacitances. The capacitor C; can be
small whereas C5 has to be large. The feedback technique employed can eliminate a
voltage loss due to threshold voltage V, of MOSFETs.

We next consider alternative bootstrapping techniques [4.95]. A basic bootstrapped
switch circuit is shown in Fig. 4.54a. In this circuit, in Phase 2, the capacitor C ., is
charged to the supply voltage Vpp — Vg and the gate of the switch is grounded thus
making MNSW OFF. In Phase 1, the capacitor C ., is connected across the gate and
source terminals of the switch MNSW so that the V, is kept constant independent of
the input signal level. Thus, rail-to-rail signal switching is feasible. Note that all
switches in a SC circuit need not be bootstrapped. As an illustration, a SC low-pass
filter is presented in Fig. 4.54b. Note that only the switches S, and S¢ need to handle
large signal levels whereas the switches S, and S; handle only ground or virtual
ground. It may be observed that two reference voltages are used: Vpp/2 and Vs, At
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the opamp input, for the switch S,, Vi can be used since it is switching ground or
virtual ground and this switch can be a normal switch. The Vpp/2 reference voltage is
used for the switches S5 and S5 since they need to handle large signals and these use
bootstrapped switches. Using V. at the opamp input eases the biasing of the input
transistors of the opamp. However, it may cause charge leakage due to negative
transient spikes. The reverse-biased diodes due to the drain-source-bulk junctions of
switches S4 and S, (shown in dotted lines) conduct due to these negative spikes thereby
discharging the integrating capacitor. Nodes N and I are subject to these spikes. Note
also that the switched capacitors C, and C5 are not reset to zero but to Vpp/2 thus
reducing the voltage step to Vpp/2. Furthermore, due to opamp finite bandwidth, the
spike amplitude will be much lower than 0.5 V when a supply voltage of 1 V is used.

The number of bootstrapped switches can be reduced using a single analog
reference voltage V,,. However, the signal still varies around Vpp/2 at the input
as well as the output of the opamp. The difference between the two reference
voltages can be compensated by injecting a fixed charge into the node N using
additional switched capacitor C¢y, as shown in Fig. 4.54c. The extra capacitor,
however, increases the switching noise.

The transistor-level implementation of the bootstrapped switch is shown in
Fig. 4.54d wherein some additional devices have been employed to make it
symmetrical. The transistors MN1, MP2, MN3, MP4, and MNS5 correspond to the
five ideal switches S-S5, respectively. Additional switches are introduced to
facilitate rail-to-rail operation and they also help to limit all gate-source voltages
to Vpp. Gate connection of MP4 and MP2 prevent their overstress when the voltage
at node B rises to Vpp. Transistor MN6S triggers MP2 ON at the beginning of ¢,
and transistor MNG6 keeps it on as the voltage on node A rises to the input voltage
V.. Gate connections of switches MN1 and MN6 allow them to turn on like MNSW.
In addition, the transistor MNT5 has been added to prevent the gate drain voltage of
MNS5 exceeding Vpp during ¢; while it is OFF. During ¢, when MNTS5 is off, its
drain—bulk diode junction voltage reaches 2Vpp. This must be compatible with the
technology limits. Finally, note that the bulk of transistors MP2 and MP4 must be
tied to the highest potential: that is, node B and not to Vpp. The voltage at the drain
side of the main switch MNSW must be greater than that at the source side at the
switching moment so as to prevent the drain source voltage to exceed Vpp during
the turn on transient. In order to overcome the limitation, anther transistor MN2 has
been added to the drain side as shown in dashed lines to make the switch symmet-
rical. The gate voltage is thus clamped at a voltage Vpp higher than the terminal of
the lowest terminal voltage.

4.14.4 Reset-Opamp Technique

Another technique for designing low-voltage switched-capacitor circuits is based
on reset-opamp low-voltage SC integrators which is described next. The reader may
recall that in the switched opamp technique, the integration is performed in one
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Fig. 4.55 (a) Reset-opamp SC integrator, (b) low-voltage SC integrator with MOS switches, and
(¢) level-shifted clock generator (Adapted from Keskin et al. [4.86] © IEEE 2002)

phase and in the other phase the opamp is switched off. This reduces the operating
speed of the resulting SC filter due to the transients introduced by the required
power up/down of the opamp. In the technique, we consider next, the opamp is not
switched off and is always in linear operation. This is called the reset-opamp
technique [4.86] since the opamp output is reset during one clock phase.

The reset-opamp technique is based on the offset compensation scheme presented
earlier due to Gregorian (see Fig. 4.45a). Consider the cascaded SC integrators shown
in Fig. 4.55a. In Phase ¢, the feedback loop of the opamp is closed using the switch
S4 (i.e., opamp output voltage is reset to ground) and the switch Sg opened so as to
preserve the charge on the integrating capacitor. The capacitor C; acquires the charge
C1(V;, — V,). In the phase ¢h,, the output of the previous stage is reset to V4 thereby
discharging C, into the virtual ground of the opamp at the second stage. Also, since
the integrating capacitor C, is reconnected back into the feedback branch, it absorbs
the charge of C;. The resulting V,,,, is sampled by the input capacitor of the next
stage. Thus a noninverting integrator of a half-cycle delay is realized.

The circuit, in practice, has some problems when the feedback switch is closed.
Usually NMOS devices are used for S4 and S, since they can be turned on easily.
Assuming that at the end of ¢h, = 1, the output voltage is Vpp, at the beginning of
phase ¢y, the closure of S, will pull V,,,, to ground thereby pulling the floating node
B to —V,, by C,. As a result, the source—substrate junction will be forward-biased
with conduction leading to a loss of charge from C, to the substrate. One method of
overcoming this problem is to use a PMOS switch in place of NMOS switch so that
the source substrate junction will be reverse-biased thus not causing the loss of
charge as shown in Fig. 4.55b. A new situation arises since the PMOS switch needs a
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negative clock voltage for conduction. This can be solved by using a level-shifted
clock generator as shown in Fig. 4.55¢ based on the Nakagome et al. clock booster
stage [4.93] (which was considered earlier in Fig. 4.53).

4.14.5 BIOC (Biased Inverting Opamp Configuration)
Based SC Filters

Low voltage analog circuit design based on biased inverting opamp configuration
(BIOC) has been suggested by Karthikeyan et al.[4.149]. This technique is superior
to switched opamp technique since no critical switches for processing analog
signals are needed. Furthermore, the need for high common mode input range
opamp is avoided.

The basic concept is illustrated in Fig. 4.56a using a current source and (b) using
a resistor. Simple circuit analysis shows that

R R B 1
Vo=V, [1+=—= ) —-R: =V -V —Vi+..+=V 4.105
o ,x< +Req> f<R 1+R 2+R 3+ +R n) ( )

where R,, = R//R>//. . ./IR,. For maximum output swing, input/output quiescent
voltage is set at Vpp/2 and as such v, is required to be set to Vpp/2. Considering a
PMOS differential amplifier for the opamp, due to the limited common mode input
range, supply voltage is required to be greater than 2(V g, +|V,,,’). As such, the
circuit cannot operate at 1-V supply voltage, if ’V,p’>0.4V‘T0 reduce the supply
voltage, the opamp input common mode voltage V has to be biased a voltage close
to ground independent of input and output quiescent voltage. This can be achieved
by choosing Iz such that

Vo 11
=(2-v.)(=— 4.1
= (3 (5w (109

The current source I can be realized by a NMOS transistor. Hence V, must be
greater than Vpg,,, and hence the minimum supply voltage for the new circuit is
Vossar + 2Vspsar + |V,,,|. Note that in the case of the NMOS input differential
amplifier, a PMOS current source is connected between the virtual ground and
positive supply voltage. In place of the current source, a resistor can be used as well
and realized using a MOSFET operating in the triode region with a value given by

b (i) wim)
2

X

The performance of both circuits at high frequencies is different since of the finite
resistance of the current source. A circuit for generating I is shown in Fig. 4.56¢
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which can track with variations in resistor values. The feedback loop around the
opamp ensures that drain current of M| is V,/R;. Assuming all matched transistors,

Vref R2
B (R +Ro) R (4.107)

For fully differential amplifiers, the input common mode voltage can be sensed
by using resistors R and compared with V, using a single-ended differential
amplifier. Due to the feedback loop, opamp input common mode voltage is set at
V., and the biasing current set according to R;, Ry, and the input and output common
mode voltages. The fully differential opamp and the CMFB circuit are presented in
Fig. 4.56d, e. The opamp is a two-stage design with a folded cascade input stage, a
common source output stage, and a continuous time CMFB. Two resistors of value
2R sense the common mode voltage and produce a current i; which is compared
with a reference current i,. Note that i; is set by Vpp/2 and resistor R. The difference
between these currents is converted into a voltage CMFB by transistors M, M1,,
and M 3. The control voltage is then used to adjust the Vg of M3 and M, such that
the output common mode voltage is set to Vpp/2.

Huang and Lee [4.150] have described a continuous time filter with automatic
tuning based on this technique. The Akerberg—Mossberg biquad using the BIOC
technique is presented in Fig. 4.57a which is a modified version of the original AM
biquad of Fig. 2.19. Note that Cp is omitted and a resistor is added in parallel with
C, of the first integrator to vary the Q factor. The Q can be tuned by adjusting the
value of Cp only for a given value of C,4. Note, however, that Q and w, cannot be
tuned independently. The switches used in the PCA for implementing C4 and Cp
need to handle low voltages only. The parasitic resistance of the switches together
with the feedback capacitor introduces parasitic zeroes which need to be placed at a
higher frequency than w, by properly choosing transistor widths. Large transistor
widths lead to large parasitic capacitances at the opamp inputs.

The authors have proposed a tuning system (shown in Fig. 4.57b) for frequency
tuning and Q tuning. It consists of an oscillator, a reference filter, two binary
counters (m-counter and f-counter) and two analog comparators. The oscillator is
similar to the AM biquad of Fig. 4.57a with Cp omitted. By tuning the frequency of
the oscillator w,, the filter pole frequency can be tuned. f.. is measured by the
m-counter which is controlled by the reference clock signal f.;. The value of
fn-counter is latched at the end of each clock period of T, and compared with the
digital word using a digital comparator. When the value of the m-counter is less
(greater) than By, evidently f,. is lower (greater) than the desired value. Accord-
ingly, the f-counter decrements (increments) all the PCA control words. When the
value of the m-counter equals By, there will be no change of an f~counter. It can be
seen that w, = 2nBf.. The clock signal should have a relatively long period
together with a long m-counter to minimize the errors.

The frequency tuning accuracy depends on a good match between f,. and the
center frequency of the filter @,. Simulations show that f,,. is always smaller than f,,
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by an error of 2-5% due to different loading effects of opamps in the filter and
oscillator.

The Q-tuning is carried out after frequency tuning. The oscillator output is
attenuated by G (=1/Q) and fed to the reference filter. The magnitude of the BP
output of the reference filter is compared with the magnitude of the input and then
adjusts Cp until the magnitudes are equal. The authors do not use peak detectors but
instead use latched comparators. The quadrature phase signal is used as the latch
signal for the latched comparator. The output of the latched comparator is fed to the
O counter which is incremented or decremented by 1 if V,, is higher than Vy.
The updating rate of the Q counter is determined by the external clock signal f,. The
tuning range of the Q factor depends on Cp and o, since Q = o é e

The 1-V opamp is presented in Fig. 4.57c based on a two-stage architecture. The
low voltage current mirror formed by M3, M4, M5, M is used together with a PMOS
differential pair to form the first stage. The second stage is a NMOS common source
amplifier.

The latched comparator shown in Fig. 4.57d works in current mode. The wide
input signal swing is achieved by connecting inputs to resistors that convert voltage
into current to flow into the low impedance node A.

This is compared with the reference current i,. Note that i} and i, will be equal if
V; and V},, have the same amplitude. Otherwise, 7; and will be different and a logic
signal is produced at the output after the latch signal goes high.

4.15 Noise in SC Filters

SC filters use switches and opamps that contribute to the noise. It is necessary to
evaluate the contribution of these various noise sources to the output of the SC
filters so that the dynamic range can be estimated [4.97].

A switch in a SC filter using a MOS transistor operating in the triode region can
be modeled as shown in Fig. 4.58a by a noiseless resistance R, together with a
Johnson noise source in series with the resistance whose power spectral density
(PSD) is given by

Sy (f) = 4kT R, (V* /Hz) (4.108)

where k = 1.38 x 107> J/K is Boltzmann’s constant and 7 is the absolute temper-
ature of the device in degrees Kelvin. The mean value of the thermal noise is zero.
The PSD is considered to be a one-sided distribution.

For a MOS transistor operating in strong inversion and in the active region,
the thermal noise can be modeled by a current source in parallel with the channel.
The PSD is approximately given by

1 (/) = SAT g, (4° [H2) (4.109)
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Fig. 4.58 (a) Noise model of a switch, (b) single-stage CMOS opamp showing various noise
sources, (c¢) typical opamp circuit with capacitive feedback and load capacitance, and (d) SC
integrator followed by a switched-capacitor (Adapted from [4.97] © IEEE 2005)

where g, is the transconductance of the device. On the other hand, another source
of noise known as flicker noise or 1/f noise exists which is modeled by a series
voltage source connected to the gate of the MOS transistor whose PSD can be
written as

Sy (f) = Wi K v ) (4.110)

where W and L are the channel width and channel length, respectively; f is
frequency; and K is a process-dependent parameter. Note that this noise is dominant
at low frequencies and hence not white. The 1/f noise can be reduced by using large
input devices or by using PMOS transistors in place of NMOS transistors as input
devices. Other techniques such as correlated double-sampling can be used to reduce
this noise.

We next consider a simple single-stage opamp shown in Fig. 4.58b in which the
noise current of transistor Qs does not contribute to the input referred noise since it
is a common mode signal. On the other hand, the noise current of Q; and O is
described by (4.109) and can be converted into an input referred noise voltage

source with PSD of SI;T Similarly, the noise current of the diode-connected load

SkT BKT 23

transistor Q3 can be referred to the input as a voltage source of . The noise

ml

current of Q4 can be referred to the other input of the differential ampliﬁer. Thus the
total noise PSD of the differential amplifier can be written as
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16kT &3
Sy =—(142 4.111
' (f) 3 8mi1 < - gml) ( )

Evidently, for low noise g,,3 < g,1-

We next consider an opamp with capacitive feedback and capacitive loading.
Assuming a single-pole response for the opamp, the noise transfer function of the
circuit in Fig. 4.58c can be written as

V() G()

V, 1 + s

4.112)

_GC+C G+C G G, 1 _p__GC _ C G
where 7 = oxem =sec=P=c7g Co=C+c54-

The white noise given by (4.111) gets shaped from the frequency response given
in (4.112). Thus, the mean square value of the output noise can be computed as

i 16kT G>
— . 2
B [ S0 GNP =355 @113
0
From (4.112) and (4.113a), we have
s 1+S
Py = o — 2= (4.113b)

You =737 7 T 38C,

It is thus evident that in the expression for the output noise, the effect of g, gets
cancelled.

Schreier et al. [4.97] derive an interesting result for the case of a SC following an
opamp-based continuous-time circuit as shown in Fig. 4.58d. The capacitor now
has to charge to the full value of the input signal during the sampling period when
the switch is ON. The charging process is exponential and typically is of the form
¢”". For achieving a settling error of less than % of a bit to realize N-bit perfor-
mance, the condition to be satisfied is

¢ 7w < 2N (4.1142)
Thus we have

N + 1)in2
fSﬁ>( + 1)in OrdeB

fs n I

>2.43 for N = 10 (4.114b)

This is an impossible case. This can be explained by the reasoning that the noise
is white and extends up to frequencies much higher than the sampling frequency
and hence, the sampling process aliases this wide-band noise into pass-band and the
resulting noise is white. This is known as foldover noise. It is uniformly distributed
in the frequency band O to f,/2, thus the PSD becomes
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v, G,
) — no _ ~o 4.11
Sl =5 = g, R

Thus, the noise is increased by the factor 1/(2tf;) which is larger than the limit
given (4.114b). Thus for N = 10, the noise PSD is enhanced by 7.6 or 8.8 dB.
Therefore sampled data circuits have inherently more noise than their continuous-
time counterparts.

Fischer [4.98] has presented an expression for evaluating the foldover noise. The
white noise of the switches is wide-band in nature and due to the sampling process,
the frequency-shifted side-bands are uncorrelated with each other. As such, they can
be added to compute the total output noise density. Thus, for —f; < f < f;, we have

Nr = 1, + ( (M;W") - 1) Nep (4.116a)

where BW,, is the bandwidth of the white noise and 7, is the spectral density of the

noise source spread uniformly over BW,,. Evidently ((ﬂjﬂ) — 1) is the number of

side-bands falling in the frequency range dc < f < f;. Recalling that ny, = 7,
(4.116a) can be simplified as

BW,
nr <2, ( 7 ) V2 /Hz (4.116b)
N

Using the above models, we can derive the noise of SC filters. We consider the
SC integrator of Fig. 4.58d. In phase i, the equivalent circuit is as shown in
Fig. 4.59a which can be simplified as Fig. 4.59b wherein the ON resistances of both
the switches S and S3 have been represented as 2R on. The PSD of the noise voltage
v.1 across C; can be found to be

25 (f) _ 8kTRoy
1+ (@2nft,)* 1+ (2nf7,)?

Ser (f) = (4.117a)

where 7, = 2RonC. The total power (mean-squared value) of v.;(¢) can be found
by integrating S5 for frequencies from dc to infinity yielding once again the
important relationship

kT
V2, =

1= 4.117b
cl C] ( )

Thus, the noise of a switched capacitor is not dependent on the resistance of the
switches and is only dependent on the value of the capacitance. In Phase 2, the
equivalent circuit is as shown in Fig. 4.59c taking into account the opamp noise as
well. We once again find v.; approximately as
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Fig. 4.59 (a) Noise equivalent circuit in Phase 1, (b) simplification of (a), and (c) noise equivalent
circuit in Phase 2 using opamp model (Adapted from [4.97] © IEEE 2005)

Vi (s) = Vi (5)

V. = 4.118
1 (s) e ( a)
where
1
1=C (2R0N+_) (4.118b)
ml

Following in a similar manner as before, the mean-square value of the noise
voltage on C; can be estimated from (4.118) as

S, (0 8kT R k(1
P = 4( ) _ 011V = (ﬁ) (4.119a)
‘ 4<2R0N+—) o P\ T

ml

where x = 2Rpng,1- In a similar manner, the noise voltage on C; due to opamp
noise can be found as
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2, = % _ (16/3)(kT/1gm1) _ (g) ’éT (1 i_> (4.119b)
! 4<2R0N+> C ! *

ml

The total noise acquired by the capacitor C; is thus the difference between that
accumulated in ¢, given by (4.117b) and the sum of the switch and opamp noise
contributions in Phase 2 given in (4.119a) and (4.119b). Since these are statistically
independent, the total noise is the sum of these quantities:

KT (142
2, :<3+ x> (4.120)

Ci\1+x

The ratio of switch noise power to the opamp noise power generated during ¢, is
3x/4. Thus for x < 1 (i.e., g,,1 < 1/Ron), the opamp noise dominates whereas for
x > 1, the switch noise dominates.

For a given capacitor size, the g,,; needed for the opamp, to achieve minimum
noise can be estimated as

KT (3 + 2x)
gl = ;T 4.121)
cl

which is minimized for x = 0. The total noise in this case is % 3C3kT This may be seen
to be 17% larger tan for the case x > 1 (i.e., 2kT/C;). The noise stored on C; is
transferred to C, and thus the noise voltage on C, is given as

_ KTCy (142
Ay = ZC‘ (3 + x) (4.122)
(65 14+x

The noise analysis of biquads is also of interest. Walscharts et al. [4.99] have
suggested a simple noise optimization procedure for the Fleischer-Laker SC
biquad. These biquads can be coupled or uncoupled, therefore the coupled biquads
are preferred since the noise optimization can be carried out efficiently since few
capacitors can be unswitched and hence noiseless. It is assumed that the noise is the
same in both phases of the clock. This assumption may lead to overestimation of
noise by 1-2 dB as pointed out by Walscharts et al. [4.99]. However, this assump-
tion simplifies matters considerably. In the method being considered, we associate a
noise source with each of the switched capacitors G, H, I, J, A, C, and F since other
unswitched capacitors do not contribute to the noise. The noise spectral density of
these noise sources is given by kT/C; where C; refers to each of these capacitors.
The aggregated noise of capacitors connecting to each inverting input of the opamp
is filtered by the biquad. Thus, noise transfer functions need to be derived for the
two aggregated sources. The total noise can be found as
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fu
2 _4kT2A*(C+G+H) J 1
n fs D(z)D(z7 V)| z=enriss
fu
) Fu B
Jr4kT.2D (A+F+[+J)J(l—z) 1—z71 df 4.1233)
I D(z)D(z=Y) | z=ernrss )
fu
where

D(z) =D(B +F) + (AC + AE — DF —2BD)z"' +(BD — AE)z™>  (4.123b)

Note that the squared magnitudes of the noise transfer functions are used in (4.123a).

The transformations suggested by Fleischer and Laker for combining switched
capacitors into unswitched capacitors such as when G = H as a single unswitched
capacitor L will reduce noise associated with switches. Tradeoff is possible between
area and noise. This can be appreciated by noting that the area and noise of an
arbitrary SC filter having n integrators can be expressed as follows.

Area=k; Ci+ky Co+k3 C3.... + k, C, (4.1244a)
. I Lh L 1,
N =—4+—4+—=—... — 4.124b
oise c, +C2 +C3 + C. ( )
where ki,ky, ..., k,and l},l, ..., [, are constants. The optimum distribution of chip

area for achieving low noise can be achieved by choosing

b C? kG kG kC
L L LT,

(4.124c¢)

Fischer [4.98] has suggested an approximate approach to obtain noise using
SPICE. In this method illustrated for the SC biquad of Fig. 4.60b, the noise
equivalent can be derived as shown in Fig. 4.60c. Note that switched capacitors
C; are replaced by resistors of value T/C;. The foldover noise of the opamp is
represented by an additional output denoted as switched output S, whereas the
continuous output C, is connected to the paths that are not switched (see Fig. 4.60a).
Both the un-sampled //f noise and white noise are treated as separate sources
using the voltages v, and v,;. The switched output is connected to all the
switched capacitors connected to outputs of the opamps. To model the nonin-
verting integrator, a VCVS of gain —1 can be used. The 1/f noise source is
simulated using a MOSFET noise. The reader is referred to [4.98] for a complete
SPICE model for noise estimation. The foldover noise is described by the

switched output where k =,/ % — 1 where BW,, is the noise bandwidth of
the opamp.
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Fig. 4.60 (a) Frequency domain noise simulation model of opamp, (b) SC biquad, and (c) noise
equivalent circuit for use in SPICE (Adapted from [4.98] © IEEE 1982)

Example 4.5 We analyze the noise of the SC high-pass notch filter of Fig. 4.60b.
The zero frequency is at 1 KHz and sampling frequency is 8 KHz. The pole
frequency is 2 KHz and pole-Q is 3. First, the analog transfer function can be
written easily as
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H(s) = $2+ (21 x 1,000)
52 + +s(2mx2,000/3) + (27 x 2,000)*

Bilinear transformation is used, thus the prewarping needs to be carried out using
the mapping rule Q = % tan(%) = 6630.38rads/s.
Thus, substituting for s, § we obtain the prewarped analog transfer function as

Hs) = 5% + (6630.38)*
524 +5(4190.47) 4 158040816.32
Substituting the bilinear s — z transformation s = % (};;:) and simplifying, we

obtain the z-domain transfer function

M) 0.86446 — z~! (1.222146) + 0.86446 72
Z) =
1.386448 + 21 (0.564617) + z 2

Identifying with the Fleisher—Laker biquad T-type transfer function in
(4.15a), we obtain the various capacitor values as I =J = 0.86446, H = 0,
E=0, A=B=D=1, G=0.506774, F = 0.386448, and C = 2.951065.
Since I =J, a single unswitched-capacitor is used. Next considering the
SPICE equivalent, the resistances corresponding to capacitance C; can be
obtained as Cl where T =1/8,000. Thus, resistances corresponding to A, C, G,
F can be obtained. The capacitor values I, B, D are the same as above.
Considering the opamp bandwidth for instance as 2 MHz, the factor k£ can be
seen to be 22.3. The input current noise is ignored. The WINSPICE code is as

follows.

* SC High-pass Notch filter noise analysis
R1 12 24665.8K

R3274235.7K

C123 10pf

C2 67 10pf

R2 5 6 12500K

R4 67 32345.8K

C3 1 6 8.6446pf

E105301

Xblk1 2 3 4 noisyopamp2out

xblk2 6 7 8 noisyopamp2out

.subckt noisyopampZ2out ninp cont switched
V158 0dc0.1

V260 0dc0.1

D1 58 59 DIODE

R3059 0726.4

D2 60 61 DIODE
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R31 61 0726.4
E29059611
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E3 cont 0 9 ninp 100000

V176200

R3262073.6

E4 cont switched 62 0 22.3
.ends noisyopamp2out

vinl1 0acO

.noise v(7) vin dec 10 0.5 100000 1
.MODEL DIODE D(AF=1.0,1S=0.001F, KF=1.667E-9)

The noise spectrum and total integrated noise output results are as follows.
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sqrt(onoise_total) = 4.809854¢e-05

4.16 Effect of Finite Bandwidth of Opamp
on the Performance of SC Filters

The effect of finite bandwidth of the opamp on the performance of SC filters is
considered next. The analysis can be done for two cases: (a) using opamps with low
output impedance, and (b) using OTAs. The results are slightly different for both
these cases [4.100, 4.101, 4.102].
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4.16.1 Effect of Opamp Bandwidth on SC Filters
Using Opamps

Consider the SC integrator of Fig. 4.63a [4.101]. In Phase 2, since the opamp takes a
certain amount of time to respond to the changes in the circuit topology, the various
capacitors exchange charges instantaneously. The voltages at the input and output of
the opamp, assuming that the input is held constant during clock phase 2, are

Vo () = v, (n - ;) = (C‘gl C2> <V1 ) -V, <r — ;) +) (4.125)

Thus, the output voltage is not continuous but jumps to the opposite direction
with respect to its final increment. Thereafter the opamp settles slowly and the
output reaches the final value as explained next. The equations describing
the behavior are:

dv, (1 -C, i(Vo (1) = Vi (1) (4.126a)

c
Y dr d

or alternatively

Ci+C\dV, (t) dVO(l)
= 4.126b
( C ) dt dt ( )
We also note that the single-pole model of the opamp
Vo B
—=—— (4.127a)
V] S
yields the relationship
av,
—2=-BV (1) (4.127b)
dt
From (4.126b) and (4.127b), we have the solution
n" o,
vi(n)=v; |n— 3 e M (4.128a)

where

B T
kl—( G )E (4.128b)
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Substituting for vi(n) from (4.128a) in (4.125), we have

N 1 Ci+ G h Y
vo(t)v0<n2)< c, )(le )vl(n 2> (4.129)

In a similar manner, during phase ¢, we have

Vi <n - 1) =e Ry (n—-1) (4.130a)

where
ky = — (4.130b)

Also, we can obtain that
1 —k
Vo |n—5 =y, (n—1)—(1—-e)vy(n—-1) (4.131)

At time t = (n — 1/2)T, the capacitor C; is connected to the inverting input of
the opamp. The charge on C; is instantaneously distributed between C; and C,
according to

NN C, 1\~ C, 1
——) = - il n—= 4.132
n(n-3) = (@5a) (m2) + (@5a) w(mg) e

Using (4.130a), (4.131), and (4.132) in (4.129), we get

Vo (1) = vy (n— 1) (%)(1 e ) (n —%> (1= ety

2

xvy(n—1) (4.133a)

Furthermore, using (4.130a) and (4.132) in (4.128a), we have
& (k4 k2) ( G ) —k
vin)=— e 2 vy (n —1 + == )e¢ ! Vin
() <C1+C2> Jni ) Ci1+C,

x (n - %) (4.133b)

Assuming that the input is held constant during ,, we can substitute v;,(n — 1/2)
= v;,(n). Next, taking the z-transform of (4.133a) and (4.133b) and solving, we
obtain the transfer function of the integrator as
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Fig. 4.61 Stray-insensitive SC integrators: (a) inverting, and (b) noninverting (Adapted from
[4.102] © IEEE 1985)

Vol(z) —C
Vi(z) Ca(1—z71)

X 1—e_k‘—|—e_k‘< C2 )z" Lottt
Ci+C 1 Z—l( C )e—(k|+k2)

C+C
(4.134a)

Noting that e~*1+%) <« 1, (4.134a) can be simplified as

Vol(z) _ —Ci kK —k G -1
Vi) _C2(1—2—1)<1 e M+e <C1+C2>Z > (4.134b)

Similarly, the transfer function for a noninverting integrator of Fig. 4.61b can
also be derived. Note, however that, in this case, the voltage across C| is applied to
the opamp inverting input during ¢,. Thus, the discontinuity in v,(z) will occur
at t = (n — 1)T. The resulting transfer function at the end of Phase ¢, can be
derived as

VU(Z): Cy 71 <1ek‘< Cq >( C, )e(kl+k2)>.
Vi(z) Cp(1—z71) Ci+C Ci+C

C, e~ kithk) 1
1+
Ci+Ca\1_,1 (ﬁ) e—(ki+k2)

(4.135a)



378 4 Switched Capacitor Filters

which can be approximated as

Vo (Z) _ G z”! —k Ci
Vi (Z) _C2 (1 —Zfl) (1 —¢ (C1+C2)> (4.135b)

The errors in the integrator transfer function can be approximated as

Hideal
1 —m; (w) —jb; (w)

Hactual = (4 136)

where i stands for ith integrator. It can be easily shown that a two-integrator loop
consisting of one lossless and one lossy integrator exhibits a variation in pole-
frequency and pole-Q given by

Aw, 1
w—i = = (1 (,) + ma (,)) (4.137a)

and

o, (4.137b)

T 140001 (@) £ 02 ()

4.16.2 Effect of Opamp Bandwidth on SC Filters Using OTAs

The difference between the previous case of using opamps and present case of using
OTAs [4.102] is that there is a feedforward path through the integrating capacitor to
the output of the OTA due to the high output impedance of the OTA. Furthermore,
the capacitive load connected to the output terminal of the OTA also affects the
transient response. Egs. 4.133a and 4.133b get modified as

i =win-1 - (&) (1= (9E2) )

Vin (n - ;) —vi(n—=1) (4.138a)
and
vi(n)=e X v (n—1) (4.138b)
where

Gy C _Gc¢
ky = (CLZ & +C)) % and Cp> = o775+
Note that in the case of a fixed capacitor C, being connected to the output of the
OTA, (4.138a) becomes



4.16 Effect of Finite Bandwidth of Opamp on the Performance of SC Filters 379

Vo (1) = v (n— 1) - (%) (1 _ (1 + (CC_;) (Clg]cZ)) ek3>

X Vin (n—%> -V (n—1)<l —g—4€_k3> (4.138¢)

L2

The transfer function in the case of inverting and noninverting integrators can be
shown to be, respectively,

ol =G ClHON i i (€
v,»(z)_cz(1_z-1)<1—( c. )e +e <C1>z> (4.139a)

and

Vo(z)  Ci z~!
Vi(z) Ca(l—z!

) (1—eh) (4.139b)

Interestingly, the phase error in the noninverting case can be seen from (4.139b)
to be zero.

Martin and Sedra [4.101] have estimated the pole-frequency deviation and
deviation in the transfer function due to finite bandwidth of the opamp for various
clock frequency to pole-frequency ratios. Their conclusion is that for a given
resonant frequency, use of as low a clock frequency as possible decreases the errors
due to the finite bandwidth of the opamps. They have also observed that the errors in
SC filters are far fewer than those in active RC filters.

We next consider design considerations for realizing SC filters that are not
sensitive to finite bandwidth of the opamps. SC biquads can be realized using
differential-output differential-input opamps. Several distinct variations are possi-
ble for the realization of biquads. There are four types of two-integrator loops
possible: (a) using one inverting integrator and one noninverting integrator,
(b) using two inverting integrators, (c) using two noninverting integrators, and (d)
using two differencing-input integrators. The negative feedback needed in the two-
integrator loop is realized in cases (b) and (c) by connecting the appropriate output
of the opamp since both normal and inverted outputs are available.

The arrangement of (d) uses SC integrators as shown in Fig. 4.62a in which
input-differencing is employed for realizing the integrator. A complete biquad
using this technique is shown in Fig. 4.62b. In the circuit of Fig. 4.62a, in both
phases, the input and delayed input are integrated thus reducing the input capaci-
tance to C1/2 in place of C;. Thus, the total capacitance is reduced thereby reducing
the loading on the previous input stage. The charging time of the input capacitor is
also reduced. Moreover, the error due to the finite gain of the opamp is also reduced.
The capacitor spread, on the other hand, increases. The errors of this integrator have
been shown to be as the average of the amplitude and phase errors of the inverting
and noninverting integrators.
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Fig. 4.62 (a) Differencing-input integrator, and (b) biquad based on the integrator of (a) (Adapted

from [4.102] © IEEE 1985)
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Interestingly however, the effect of the finite bandwidth of the opamp is different
for these circuits. As has been shown earlier, the inverting integrator has amplitude
and phase errors whereas the noninverting integrator has only amplitude error.
An analysis of the pole-frequency and pole-Q errors for the various circuits by
Ribner and Copeland [4.102] shows that the differencing-input filter has the lowest
pole-frequency error and the second lowest gain error whereas the filter based on
inverting integrators has the opposite performance. The biquads using noninverting
integrators has the worst performance followed by the slightly better inverting/
noninverting biquad.

4.17 Charge Injection in MOS Switches

One of the fundamental factors that limits the accuracy of the SC circuits is the
charge injection occurring when the MOS FET turns off [4.103, 4.104, 4.105, 4.106,
4.107, 4.108, 4.109, 4.110, 4.111, 4.112]. A finite amount of mobile carriers are
stored in the channel when the MOS transistor conducts. When the MOS transistor is
turned off, this channel charge exits either through the source/drain or the substrate
electrodes. The charge transferred to the data node during the switch turning-off
period superimposes an error component on the signal voltage. In addition to the
channel charge, the charge associated with the feedthrough effect of the gate-to-
diffusion overlap capacitance also increases the error voltage after the switch turns
off. The error voltage could be in the range of a few millivolts. As an illustration for a
typical capacitor of size 8 x 8 um and a sampling capacitor of 5 pF, a gate overdrive
of 5 V introduces an error on the order of 20 mV.

A simple approach to reduce the effect of charge injection is to use large external
sampling capacitors. This, however, leads to large circuit complexity and reduces
the speed of operation of the SC filters. First-order cancellation of the switch charge
injection is possible using dummy switch-based compensation technique [4.103,
4.104, 4.105]. This is shown in Fig. 4.63a. The charge cancelling device is a dummy
device with its source shorted to drain to prevent dc current flow and with one half
the channel area of the actual switch. The voltage applied to the gate of the dummy
transistor is the complement of the voltage applied to the actual switch.

Note, however, that complete compensation is not possible since the complete
charge of O, flows through the sampling capacitor C, whereas a portion of the
charge of O, only flows through C. This fraction is dependent on gate voltage
waveform as well as source resistance. Improved techniques use another dummy
capacitor as shown in Fig. 4.63b so that there is symmetry in the circuit. This
modification also may not be adequate unless the source impedance, clock fre-
quency, and fall time are well controlled. An attractive solution could be the use of a
fully differential configuration that needs matching capacitors as shown in
Fig. 4.63c and its improved version shown in Fig. 4.63d which reduces the effect
of source impedances as well. Alternative techniques of mitigating charge injection
have been considered before that use delayed clocks appropriately (see Fig. 4.48¢).
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Fig. 4.63 Switch channel charge cancellation techniques: (a) using dummy switch, (b) using
dummy switch and dummy capacitor, (c¢) using differential scheme, and (d) using dummy
capacitors (Adapted from [4.103] © IEEE 1982)

There are three types of charge injection (a) due to the channel charges in strong
inversion, (b) due to channel charges in weak inversion, and (c) the channel
charges due to gate-to-diffusion overlap capacitance. These are considered next
for a switch and a capacitor in Fig. 4.64a. In Fig. 4.64b—d we also present the
waveforms at the gate, at the drain, and the current i4 through the holding capacitor
Cy. The error voltage AV, is caused by the three components and shown as Q,,
Oy, and Q... The waveform has three phases; from ¢, to t, (the gate voltage is larger
than the threshold voltage (strong inversion)), from #, to 3 (the gate voltage is
lower than the threshold voltage (weak inversion)). During the latter period, the
conducting channel does not exist. During this period, the overlap capacitance
also comes into the picture. At 1, the transistor begins to turn off. The reader is
referred to [4.109] for a detailed description of a quantitative model explaining
charge injection.

4.18 SC Sigma-Delta Modulators

4.18.1 First-Order and Second-Order Modulators

The block diagram of a single-loop sigma-delta modulator (also known as
oversampled A/D converter) [4.113, 4.114] is shown in Fig. 4.65a which uses a
differential integrator, a comparator, a latch, and a 1-bit D/A converter in a negative
feedback loop. The output stream of the latch v,(n) contains information about the
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input signal. A model of Fig. 4.65a is presented in Fig. 4.65b, by representing
the quantization noise as an additive white-noise source.

Sigma-delta modulators can be implemented in two ways: (a) continuous-time
(CT) and (b) discrete-time (DT). The filters in the modulator will be realized
in CT sigma-delta modulators using OTA-C filters or active RC filters whereas in
DT sigma-delta modulators, the filters are realized using the SC technique. CT
sigma-delta modulators are sometimes preferred over discrete-time sigma-delta
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modulators due to their lower power consumption and wide bandwidth performance
in the case where high resolution is required. However, DT sigma-delta modulators
are preferred for their easy implementation. Higher resolution can be obtained by
increasing the order of noise shaping. The matching required in DT sigma-delta
modulators is much less than that in CT modulators. Moreover, CT modulators are
sensitive to jitter and process variations. On the other hand, DT sigma-delta
modulators are preferred due to their robustness as the performance depends only
on dependence on capacitor ratios. Moreover, they can be reconfigurable by chang-
ing the sampling frequency. In this section, we consider discrete-time sigma-delta
modulators only.

Expressing the quantization noise arising out of representing the analog input
signal to the comparator as a 1-bit digital output + Vzgr or —Vier, as e, the output
of the sigma-delta modulator can be written as

Vo(2)=z'Vi2)+ (1 =z HE, (2) (4.140)

Evidently, the output comprises the delayed input signal together with the first-
order high-pass filtered quantization noise of the 1-bit A/D converter. Thus, by low-
pass filtering the output stream v,(n) of the sigma-delta modulator, the quantization
noise at high frequencies can be filtered (noise spectrum can be shaped) thus
retaining only the base-band input signal. The quantization noise can be reduced
by using a very high sampling clock.

The main advantage of the first-order sigma-delta modulator is the non-existence
of linearity errors due to the use of a single-bit quantizer. However, there can be
gain and offset related errors. Note that there no need for a precision sample and
hold circuit at the input. Sometimes, the first-order sigma-delta modulator can be
unstable, making it lock into a mode that repeats a pattern in the output bit stream.
Consequently, the spectrum of the output bit stream contains tones. These tones or
spurs can be prevented by adding dither with the analog input so as to randomize
the input. However, this requires another signal source to generate the dither and,
moreover, the input dynamic range is lowered [4.115].

In view of the limitations of the first-order sigma-delta modulator, second-order
sigma-delta modulators are attractive. A second-order sigma-delta modulator
shown in Fig. 4.65c comprises two integrators in a negative feedback loop followed
by a comparator (which can be seen to be an extension of the first-order sigma-delta
modulator by adding an additional loop). The signal and noise transfer functions of
the sigma-delta modulator of Fig. 4.65c can be derived as

Vo) =z Vi) + (1-27")

E,(z) (4.141)
thus showing that a second-order high-pass transfer function for noise shaping is
realized. The quantization noise in a second-order sigma-delta modulator is less
correlated with the input than in a first-order sigma-delta modulator [4.115].
Several alternative architectures are proposed for realizing higher resolution
than possible with second-order sigma-delta modulators. These are considered next.
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Based on simulations [4.118], it has been pointed out for the second-order sigma-
delta modulator of Fig. 4.65c, that the integrator output can exceed the analog input
range A/2 several times, where the two levels of the quantizer are considered
as + A/2. Hence, a modified structure shown in Fig. 4.65d is suggested. Note that
each integrator is preceded by an attenuation of %2 and furthermore, the location of
the delay block in each integrator is also changed. The transfer function of this
sigma-delta modulator is same as that given in (4.137). It has been observed by
simulation that the integrator output signal range is slightly larger than the full-scale
input range. Note that in Fig. 4.65d, the multiplier /4 preceding the second integrator
has no real value since the comparator is only interested in the sign of the signal.

It is possible to extend the second-order sigma-delta modulator to higher order
by adding more feedback loops but it has been found that these systems
are prone to instability [4.116]. Hence, alternative structures are explored which
are described later.

The spectrum of the quantization noise of an Lth-order sigma-delta modulator
having a noise transfer function of the type (1 — z~")* can be obtained [4.117] by

substituting z = ¢/“7 as
T 2L
Sy (wT) = (2 sin (%)) (4.1422)

where 0 is a variable related to component mismatch or finite amplifier gain, and so
on. The resolution of the converter can be estimated by first integrating the noise
PSD given in (4.142a) from n/(RT) to O to yield

T n/(RT) (T 2L L 1 2L+1

where R is the oversampling ratio and o is the standard deviation of 6. The
resolution in bits can be written from (4.142b) in general, using a Q-bit quantizer
in place of a 1-bit quantizer, as

1 fins
bits= L+~ )1log,R — 1o — | +0-1 4.143a
(oo (Yot

where Q is the number of quantizer bits. Thus every doubling of sampling fre-
quency increases the resolution by 15 dB for a second-order sigma-delta modulator
(see (4.142b)). Note also that higher resolution can be obtained for a given over-
sampling ratio by using high-order sigma-delta modulator (large L) or using a
multibit quantizer (large Q).

The dynamic range of the sigma-delta modulator can be written from (4.142b) as

32041
T2

2

DR MY (2B 1) (4.143b)
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Fig. 4.66 (a) SC implementation of a second-order sigma-delta modulator, and (b) clocking
waveforms (Adapted from [4.118] © IEEE 1988)

A SC implementation of the sigma-delta modulator [4.118] is shown in
Fig. 4.66a. Note that this uses fully differential implementation in view of its
advantages: high power supply rejection, reduced clock feedthrough, and switch
charge injection errors, improved linearity, and increased dynamic range. The
clocking waveforms are as shown in Fig. 4.66b. During Phase 1, switches §; and
S5 are closed and switches S, and S, are open. Thus, the input is sampled on
capacitors C;. In Phase 2, switches S, and S, are closed and switches S; and S;
are open. Thus the output signal is subtracted from the input available on capacitors
C, and integration is performed. Thus a half-cycle is available for the purpose of
finding difference and integration.

Note that the signal-dependent charge injection is suppressed [4.118] by using
the clocking arrangement of Fig. 4.66b in which the switches S3 and S, are opened
slightly before S; and S, respectively. Once S5 or S, is opened, C; is floating and
hence opening S; or S; during the interval when both S; and S, are open will not to a
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first-order inject any charge into C;. The switches S3 and S do not have charge
injection since they are switched between ground and virtual ground. The clocks S,
and S5 are generated by delaying the clocks S, and S.

4.18.2 High-Order Sigma-Delta Modulators

Next we consider architectures of high-order sigma-delta modulators. A structure
known as MASH (multistage noise shaping) [4.119] (also known as triple first-
order cascade TFOC1) is presented in Fig. 4.67a which consists of three first-order
sigma-delta modulators in cascade. In this structure, the quantization noise of the
first first-order sigma-delta modulator is extracted by taking the difference between
the input and output of the comparator. This extracted quantization noise is fed to
the second first-order sigma-delta modulator and similarly, the extracted
quantization noise of the second first-order sigma-delta modulator is fed to the
third first-order sigma-delta modulator. The digital 1-bit output C, of the second
first-order sigma-delta modulator is differentiated once and that of the third first-
order second-order C; sigma-delta modulator is differentiated twice and both of
these are summed with the output of the first sigma-delta modulator C, to obtain the
desired third-order noise shaping. Note that in Fig. 4.67a, we have

Ci=Xz"+(1-2z7")0, (4.144a)
C=-0,z"'+(1-2"0, (4.144b)
Ci=-0,z"'+(1-2") 04 (4.144¢)

and
Y=Ciz 24z (1= Gt (1-27) =Xz 3422 (1-27)

01—z (1= 4" (1= 0=z (1=2) 0+ (1=27")
0;=X:z"+(1-2") 0,

3

(4.144d)

The computation of Y can be done digitally. Component matching as well as finite
opamp gain errors, however, degrade the cancellation, leaking the quantization noise of
the first and second stages to the output thus degrading the output SNR as shown later.

In another structure known as the triple first-order cascade (TFOC2) (4.69)
[4.120], shown in Fig. 4.67b, the input to the quantizer of the first first-order X-A
modulator is fed to the second stage and so on. Another structure known as
SOFOCT1 (second-order first-order cascade), in which the quantization noise of a
second-order X-A modulator is fed to a first-order X-A modulator is shown in
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Fig. 4.67c [4.121]. The second-stage output is differentiated twice so that it
develops a cancellation signal component comparable to the noise of the first
stage and combined to form a third-order noise shaping. Note that the leakage
now is of second-order which is an improvement over the previous case where
leakage of both first-order and second-order exists. The disadvantage, however, is
that it overloads prematurely. Ribner [4.117] has proposed an alternative structure
shown in Fig. 4.67d in which the input to the quantizer of the second-order sigma-
delta modulator is fed as input to a first-order sigma-delta modulator. This circuit is
tolerant to capacitor mismatch errors. It may be noted that the structures of
Fig. 4.6b—d realize the same transfer function as in (4.144d).

The advantage of 2—1 architecture is that the quantization noise tones of the first
stage are largely suppressed by the second stage and the remaining quantization
noise is nearly white. It is also less sensitive to component mismatch than cascade
third-order modulators [4.122].

Brandt and Wooley [4.123] have used a 2—1 topology shown in Fig. 4.68a for
realizing a third-order sigma-delta modulator but using a multibit quantizer in the
first-order sigma-delta modulator. The advantage is that the first-stage second-
order noise is cancelled and the quantization noise of the second stage is
attenuated by third-order noise shaping. The quantization error of the second
stage comes from a multibit quantizer, thus the modulator dynamic range is
improved by 20 log (2¥ — 1) dB where N is the resolution of the multibit
quantizer. The DAC nonlinearity undergoes a second-order noise shaping. Note
that E1(z) and E,(z) are the quantization errors whereas Ep(z) models the errors
resulting from the nonlinearity of the multibit D/A converter. The following
equations describe the structure.

Yi(2)=z"'X() + (1 -2 E (2) (4.1452)
Yo(z) =z " (E1(z) —Ep (2)) + (1 =z ) Es (2) (4.145b)
Y =z (z)—(1-2") ¥ (2) (4.145¢)

or

YY) =z2X(E) +z2 (1-2 YV Ep(z)— (1 -2 Ex(2) (4.145d)

The large quantization noise of the second-order first stage will overload the
second stage. Hence the attenuation using o and f§ will be needed as shown in
Fig. 4.68a. Note that & and f§ can be equal. Thus, the output Y,(z) needs to be scaled
digitally by o' before the error cancellation logic. The complete SC structure is
shown in Fig. 4.68b. Note that in this structure, both integrators have delays in the

forward path as well as gain factors !4 yielding a transfer function % (1%],1) The

input to the second stage is the differential output of the second-stage opamp
effectively implementing o = 0.25 and § = 0.



4.18 SC Sigma-Delta Modulators 391

a
x —a(P Ur 1 -1
N 1-,7! z
/'y
Y
v
L Do v
o |«
et N CTTTh
+ ¥ - : N-bit Quantizer E Y,
z 1
— — N-BIT : » -12
S b
_ 1 ! 2
! |
! :
—  N-BIT :
[ i Ep
b
VREH\‘/ REF VREF+\‘,VREF-
T s e s, T . 2
S, C 3 1—| }—l S, C ’ | ]
_/4 ~ 4 S TN
Lo— Y
51 . + 3 g + l
T LR ]
S\ 8 2C 2

3-bit Quantizer
3-Bit -

3-bit .
Flash lefer-
ential

ADC DAC ki

# Y2
DAC2

Fig. 4.68 (a) Cascaded multibit sigma-delta modulator, and (b) SC implementation (Adapted
from [4.123] © IEEE 1991)



392 4 Switched Capacitor Filters

Nam et al. [4.124] have suggested a sigma-delta modulator topology denoted as
reduced integrator swing range (RISR) topology. In this topology (shown in
Fig. 4.69a) note that U, and V| no longer depend on the input voltage:

Y=X+(1-z"Ey (4.146a)
U =—(1-z"Ey (4.146b)
Vi=—z1Ey (4.146¢)
Wi=X-z"Ey (4.146d)

By using multibit quantization, signal ranges of U; and V| can be reduced.
Smaller U, avoids opamp slewing and savings in power enabling the use of a
single-stage opamp. Large full-scale input range can be used allowing an increase
in the circuit noise floor. Note that W, can still be large, but since it precedes the
quantizer, it is not problematic. A second-order sigma-delta modulator using this
approach is presented in Fig. 4.69b.

The equations describing its behavior are as follows.

Y=X+(1-z") Ey (4.1472)
Upy=—(1-z") Ey (4.147b)
Vi=—z'(1-z"Ey (4.147¢)
Vo=—z2Ey (4.1474d)
Wi=X+z"(z"-2)Ey (4.147e)

Note that the output Y is composed of nondelayed X and the second-order
difference of the quantization error Ey. The integrator inputs and outputs U,V
and V, are independent of the modulator input X thereby preserving the advantage
cited for the first-order modulator.

The RISR sigma-delta modulator maintains a very small integrator input and
output signals across the full modulator input range whereas other topologies show
a significant increase in the integrator signals at large input levels. Furthermore, also as
afunction of the oversampling ratio, the same results hold good. A fourth-order sigma-
delta modulator based on RISR is presented in Fig. 4.69c. A SC implementation of
the first stage is as shown in Fig. 4.69d together with the switch timing waveforms.
Note that in order to improve the linearity of the D/A converter, rotational data-
weighted-averaging (DWA) technique is used. The 5-bit output of the A/D converter
is converted into analog using the capacitors Cy,;. The pulses driving S4p; and Su;
are generated by gating the gh, phase clock with the control signals generated by the
DWA logic.
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The first integrator in a sigma-delta modulator usually is the largest contributor
in the overall power consumption. Errors in the first stage are not filtered by the
loop. Hence the first integrator must be designed to meet the overall dynamic range
requirements. By reducing the sampling rate in the first stage, power consumption
can be decreased and the resulting loss in resolution can be recovered by increasing
the sampling rate in the succeeding stages. Hence multirate processing has been
suggested [4.125]. However, this needs additional hardware in the feedback path to
perform decimation. A block diagram of a multirate architecture is presented in
Fig. 4.70a which is a 2—1 cascade with the first stage operating at a lower sampling
rate than the second stage. In this architecture, the first stage operates at a sampling
frequency Fy; and the second at the sampling rate F, = NF . An up-sampler is
introduced in the second stage to increase the sampling rate to NF,. The output
streams of both stages are digitally combined and can either use decimation for the
second stream or interpolation for the first stream. The first option is presented in
Fig. 4.70a. The authors used a RISR topology and use 1.5-bit quantizers (three-level
DAC) to reduce the output swing of the first integrator. The complete implementa-
tion is as shown in Fig. 4.70b. The outputs Y, and Y, can be derived as

Y (z) = % X @) Am =YX )+ (-2 Y E(2)  (4.148a)

Yo(z) ==z "Hyp X2 (M) + (1 =z ") Ey (2) (4.148b)

with

Y1 (Z) — El (Z) C3
= 7]{[]1 — ;3 Yl (Z)

= by ay (Y1 (2) — E1 (2)) _Z_zyl (2) (4.148¢)

Note that the up-sampling filter is described by the digital transfer function
Hyps (z) = 14 .+ 27N (4.149)

and k,;, k, are the gains of the quantizers, E(z), E»(z) are the quantization noises of
the first and second stages, and X(z) and X,(z) are the input signals of the first and
second stages, respectively. For achieving second-order noise shaping in the first
stage and first-order noise shaping in the second stage, the following relationships
need to be met.

b2 ai kql = 17 ay; = 2b1 b2 and as kq2 =1 (4150)
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Fig. 4.70 (a) Architecture of a multirate 2—1 cascade sigma-delta modulator with digital cancel-
lation filters, and (b) circuit implementation of (a) (Adapted from [4.125] © IEEE 2010)

After up-sampling the digital output of the first stage and processing both
streams in the cancellation filter, the output obtained is given as

You (2) = Hay (2)(1 + .. + 27V Y (V) + Hap (2) Y2 (2) (4.151)
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By choosing

Hy (2) =z (do (1 =) +1) (4.152a)
Hp(z)=d; (1-2) (4.152b)
with
C3 as
d, = —1land d;, = 4.152
bz by a; an ! bz by a ( ©

the final output of the cascade can be written as

b
Yior (z) = Hyps (z) 27D (a—i N my (1 - zl)N) X1 (2)

+dy 1=z (1= Es (2) (4.153)

Evidently, perfect cancellation of E(z) is realized.

In multibit sigma-delta modulators, the input to the integrator is small and hence
the linear settling of the opamp is dominant. The limitation of multibit modulators
is the increase in sampling delay in the outer feedback path.

Fourth-order cascade SC sigma-delta modulators can be derived based on a 22
architecture or 2-1-1 architecture [4.126], and are presented in Fig. 4.71a, b.

The outputs of both these modulators can be expressed as

Yo (2) =X(2) 24 +d? (1 -2V E, (2) (4.154a)

and
Yooi(z) =X(@) 4 +d2 (1—2Y Es(2) (4.154b)

under the conditions

H(z) =z72,Hy(z) = (1 — 2’1)2 for the architecture of Fig. 4.71a and H(z)
=z U Hy(z2) =(1 -2’ Hy(z) =271, Hy (z) = (1 — 1)’ in the case of the
architecture of Fig. 4.71b. In addition, the following conditions need to be satisfied
for the analog and digital coefficients.

2—2 Modulator:

8/1 :glag/2 =2g gllvg/4 =28 g/3a
/ VA
83 dy = 83

81 82 83 81 82 83

do=1-— (4.155a)
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Fig. 4.71 (a) Two-stage fourth-order cascade sigma-delta modulator (2-2), and (b) three-stage
fourth-order cascade sigma-delta modulator (Adapted from [4.126] © IEEE 1998)
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For 2-1-1 modulator:

! A
g3 7d1 = & 3 )
81 82 83 81 82 83

! ! "
d2—<1_ 83 ><1_54 >’d4_g4
81 82 &3 8384 81 82 83 84

The authors have shown that the optimization of coefficients is possible for
realizing minimum quantization noise and to ensure that intermediate signal levels
do not overload the next modulator. Medeiro et al. [4.126] have also observed
that the 2-2 modulator is less sensitive to mismatches than the 2-1-1 modulator.
They have also extended the structures of Fig. 4.71 using multibit quantizers in
place of single-bit quantizers.

A second-order sigma-delta modulator using a resonator is presented in
Fig. 4.72a [4.127]. The resonator realizes in-band zeroes so that the quantization
noise can be suppressed and SNR can be improved. The authors also used tri-level
quantization which avoids the use of DWA. In addition, the RISR concept is used to
reduce the signal swing and suppress distortion caused by integrator nonlinearities.

The signal and noise transfer functions of this second-order sigma-delta
modulator of Fig. 4.72a can be derived as

$1=8,82=28¢81,84=28,8"5,do=1-

(4.155b)

1 -2z (1 +7)z72

NTF =
1-2—kye)z " +(1+r+ky(d—c))z2

(4.1562)

and

k,(1-2—-d)z'+(1+r+c—d)z7?)
L= Q2 —kge)z ' (147 + kg (d = )22

STF = (4.156b)

where ¢ =g, a1,d = g, g, a»,r = g, &, b1 . Note that r is the loop gain of the
resonator and k, is the gain of the quantizer.

Fourth-order sigma-delta modulators can be derived based on 2-2 (RMASH2-2)
and 2-1-1 (RMASH 2-1-1) architecture as shown in Fig. 4.72b, c. The digital
transfer functions needed in the case of 2-1-1 architecture are as follows.

Hi(z)=1-2z"+(1+r)z72
Hy(z) =(1—z (1 =2z"+(1+7r)272) (4.157)
The noise transfer function Y(z)/Q5(z) can be derived as

Y(2)
03 (2)

—dy (1 -2z +(1+r)z3)(1—z") (4.158)
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Fig. 4.72 (continued)

where d, = 1/(g;828384)- Note that SNR can be improved by tuning the parameters
d,, r, and Q3(z). With careful selection of the resonator loop gain r, the zeroes can
be placed near the edge of the signal band to suppress the quantization noise over
the desired signal band.

A high-order topology using a single quantizer has been proposed by Chao et al.
[4.128]. In this structure (shown in Fig. 4.73), the signal and noise transfer functions
can be realized independently. The feedforward coefficients Ag, Ay, ..., Ay and
feedback coefficients By, By, . . ., By need to be appropriately chosen. The realized
signal and noise transfer functions are, respectively, as follows.

%Ai (z— D)V
H,(z) = = i=0 — : (4.159a)
z{(z -V - ;B, (z— DN } + ;)Al (z— DN

and

Hg (z) = =l — : (4.159b)
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Fig. 4.73 Nth order ZA modulator topology with feedforward and feedback coefficients (Adapted
from [4.128] © IEEE 1990)

Stability requirements dictate that the realized poles are within the unit circle.
Absolute control over location of poles will allow optimization of the loop response
for maximum effective resolution. The limited input range of the quantizer places
further restriction on the design of the loop filter. A signal at the input of the
quantizer that exceeds the quantizer limits leads to an increase in quantization noise
|E(z)|. The excess noise is circulated through the loop and causes an even larger
signal to appear at the quantizer input, eventually causing instability. For a fourth-
order loop, through simulations Chao et al. [4.128] have observed that |H E(z)| <2
for |z| = 1 at high frequencies is a necessary condition for stable operation with
zero input. This condition is known as Lee’s rule.

The poles can be first computed in the s-domain, say for a Butterworth-type of
response and using bilinear transformation mapped to the z-domain so that the A;s
can be determined by setting all B;s to zero. The B; coefficients can next be
determined to move the zeroes from z = 1 away. The reader is referred to Chao
et al. [4.128] for more information.

Hamoui and Martin [4.129] have proposed a sigma-delta modulator architecture
presented in Fig. 4.74a. The realized noise transfer function will be of the form

NTF =(1 -z (1—6z"+22) (4.160)
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Fig. 4.74 (a) Hamoui and Martin sigma-delta modulator architecture, and (b) conventional high-
order sigma-delta modulator architecture (Adapted from [4.129] © IEEE 2004)

The result is a high-pass notch characteristic having a notch frequency f,, given by
0 =2cos(2nf,/fs) (4.161)

Note that the signal transfer function (STF) realized is one. This configuration is
feasible for order of the modulator greater than three. The complex conjugate
transmission zeroes are realized by the last two-integrator loop. The a3, a4, and as
values for orders L = 3, 4, and 5 are, respectively, as follows.

L=3:a3=0+1
L=4:a3=2and2z7!, a4 =0+2
L=5:a3=5,as=5andas =0+ 3

It has been observed by Hamoui and Martin [4.129] that the capacitor spread
required is low for this architecture. Furthermore, the circuit enjoys low sensitivity
to modulator coefficients. The use of summer before the last integrator overcomes
the need for summer before the quantizer in other architectures, for example,
as shown in Fig. 4.74b. This architecture can realize modulators for L > 2 and
needs the following coefficient values.
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L=2:b=0—1,b=9
L=3:b,=0-6-1,b,=0"—1,b3=056+1
L=4:b =86 —6"—20—1,b,=08" =2, b3=0"+03, by=05+2

L=5:b=0"—0—35>+2041, b, =06*"—38"+1, b3=5 +56 -9,
by =0 +20+2, bs=03+3

4.18.3 Practical Considerations in the Design
of Sigma-Delta Modulators

There can be several nonidealities in the actual SC implementation of the sigma-
delta modulator. These are briefly considered next.

4.18.3.1 Jitter in the Sampling Clock

There can be jitter in the sampling clock used in the sigma-delta modulator.
Sampling clock jitter causes nonuniform sampling and increases the total error
power in the quantizer output. The effect of this jitter can be estimated as follows
[4.118,4.130, 4.131]. Considering a sine wave of amplitude A and frequency f;, the
error since of sampling of a signal x(¢) at (¢t + J) instead of (¢) is

d
x(t490) —x(t) =2nf ,Adcos(2nf 1) = 5d—x(t) (4.162)
by
The sampling uncertainty J in the clock edge can be considered as a random
process with standard deviation Az yielding from (4.162) the power of this error
signal due to jitter as

A2
Ss = (2nf, Ar)? (4.163a)

The in-band error power can be estimated by noting that the decimation filter
following the sigma-delta modulator limits the noise at frequencies above this band.
Noting that the maximum A can be 4/2 and denoting f, as B the bandwidth of the
signal, the in-band error power can be found as

2 2
S < % (Z”BMLI) (4.163b)

Since the clock jitter is assumed to be white, the total power of the error in the
decimation process is reduced by M, the oversampling ratio. Evidently, the noise
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power due to jitter is inversely proportional to the oversampling ratio and adds to
the quantization noise power. It is independent of the architecture of the sigma-delta
modulator [4.131].

The static nonidealities that need to be considered are the finite opamp gain and
capacitor matching.

4.18.3.2 Power Dissipation

The first integrator dominates the power dissipation since it is limited by the k7/C
noise and must settle to the accuracy of the overall modulator independent of the
oversampling ratio used [4.94].

The noise power within the base-band introduced by the first integrator is given by

AkT

— 4.164
MC, ( a)

Sirye =

where C, is the sampling capacitance. The factor 4 arises considering a fully
differential circuit and two paths through which noise is sampled in ¢b; and ¢b,.
The dynamic range DR is expressed as

2
MC;
DR = S _ Ve MG, (4.164b)
Skr/e 8kT
The power dissipation of the SC integrator is
P =1y Vop (4.165a)

where I, is the average amplifier current. The quiescent current of the opamp
must be sufficient so that the load capacitor can be charged to the worst case output
voltage within the integration period (half a clock period T§). Thus, we have

AV,
Iamp = G T, ! (4165b)

3

where AV, is the worst-case differential step change in the output voltage. Next,
we note that

C
AVt = (Vo + Vi) Ff (4.165¢)

where V, is the input voltage. Using (4.165b) and (4.165c¢), and noting that Ty = fl
= ﬁ with f, as the sampling frequency, M is the oversampling ratio and fy is the

Nyquist sampling rate, we obtain
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Fig. 4.75 Schematic of SC sigma-delta modulator using feedforward (Adapted from [4.97]
© IEEE 2005)

Lamp = 2Cs Mfyy (Vo + Vyer) (4.165d)

Thus, the power dissipation can be written as

VDD (sz + Vref )

P = 16kT(DR)fy V2 (4.166a)
Assuming that V,, and Vs are full rail signals, (4.166a) reduces to
P =32kT(DR)fy (4.166b)

It is important to note that the power dissipation is proportional to the dynamic
range and Nyquist sampling rate (i.e., bandwidth of the signal) and is independent
of the oversampling ratio.

4.18.3.3 Noise

SC sigma-delta modulators are affected by the thermal noise arising from the finite
switch on-resistance and thermal and 1/f noise of the OTA used to realize the SC
integrator during the sampling and integration phases.

Schreier et al. [4.97] have presented a procedure for noise estimation of sigma-
delta modulators. Consider the second-order SC sigma-delta modulator shown in
Fig. 4.75. There are five thermal noise sources due to the five SC branches. There
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are two opamps. The mean square value of the input referred noise of the first
integrator has already been derived in (4.120) and is reproduced for convenience:

—  [(KT\7/3+2x
2= ()| = 4.167
Vn] (Csl) 1+X ( a)

The noise at the output of the first integrator can be obtained from (4.113b)
taking into account the total capacitive load C,; as

— 4 kT
2 == 4.167b
vnol 3 Col ( )

where C, = Cyp —i—%
second integrator can be obtained in a similar manner. The noise contribution of
three SC branches at the input of the quantizer can be combined to yield the noise
power as

. The noise voltages at the input and output of the

— UT (. Cp  Cp\ UT
T (1 Cr ﬁ)_ (4.167¢)

8kT
2, = — M2y =2E
m Cr1 Cpi Cfl( ) Cri

Next the noise transfer functions of these five noise sources to the output of the
modulator need to be estimated. These are, respectively, as follows.

NTF;; (z) =2z ' 4272 NTF, (z) = (1 =z )2 —z7%),
NTFp(z) =z' (1 =27 "),NTF5 (z) = NTFpp (z) =2 (1 — 271)2 (4.168)
The noise PSDs need to be multiplied by the respective squared magnitudes of

the noise transfer functions and integrated over the base-band to obtain the follow-
ing results.

— (5 4 (=
NL =2 (174 = sin (174)) (4.1692)
— — (14 4 18
Now =i (Wﬁin(ﬁ) COS(L)‘nSi“(;[)) (4.1690)
— (2 2 =z
2 2 (M ~~sin (M)) (4.169¢)

17% = (% + g) (% — % sin (%) + % sin (A%) cos (%)) (4.169d)
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For large M, the above equations can be simplified as

2 2 2 4

— Vil 5 3 T 5 5 T =S —S5— 5 T

N =t N2 =32 N2 =2 —— N2=(V +12)—
il M ) ol nol 3M37 i2 ni2 3M37 3 ( no2 n3)5M5

(4.170)

It is important to reduce the noise of the first stage (kT/C noise) in a sigma-delta
modulator which may necessitate the use of large capacitances. The use of the large
oversampling ratio M also reduces the thermal noise. The SNR of the sigma-delta
modulator can be expressed as

S

SNR = ———
N¢ +NQ

(4.171)

where N¢ is the circuit noise and Ny, is the quantization noise.

4.18.34 Bandwidth and Slew Rate of Opamp/OTA

The effects of finite bandwidth and slew rate are related to each other and may be
interpreted as nonlinear gain [4.130]. These lead to incomplete charge transfer.
During the integration period, the behavior of the integrator can be seen from the
equation:

T
Vo (1) =vo (nTs—T) +aVy(1—e ), 0<1< 7 (4.172a)

where V = V;,,(nT, — T,/2), o is the integrator leakage (which accounts for opamp
finite gain), and T = 1/(2nB) is the time constant of the integrator and B is the
bandwidth of the opamp. The slope of this curve reaches its maximum value when
t =0andis

d Vi
Vo ()| = 2= (4.172b)

If the slew rate SR of the opamp is greater than the slope given in (4.172b), no
SR limitation appears. On the other hand, if the SR of the opamp is less than

the slope given by (4.172b), the opamp is slewing and hence, the first part of the
transient v,(t < t,) is linear with slope SR. The following equations apply.

t<tyv,(t) =v, (nTs—t;) + SRt (4.173a)

1315,V (1) = vy (1) + (Vs —SR 1,) (1 — ¢~ 71)/7) (4.173b)

The slew rate and bandwidth limitations produce harmonic distortion reducing
the total SDNR (signal-to-distortion noise ratio) of the sigma-delta modulator.
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I\

Fig. 4.76 SOFOC?2 architecture used for analysis of the effect of opamp finite gain and capacitor
mismatch

4.18.3.5 Finite Gain of the Amplifier

Taking into account the amplifier finite gain A of the opamp in a SC integrator, the
transfer function can be written as

- VO (Z) o — Ol1q
S TE R () (e AT @1

where u = 1/A and oy, = C;,/C, and C,, is the total input capacitance of all the feed-
in branches. Taking this model into account, the transfer function of the complete
sigma-delta modulator can be derived [4.117]. We consider the SOFOC?2 architec-
ture shown in Fig. 4.76. for illustrating the procedure. For the purpose of this
analysis, we consider the second integrator to be ideal having a transfer function
li;l,l since its nonidealities will be suppressed by the feedback loop. The first
integrator will have nonideal response H,(z) given by (4.174). By routine analysis,
we can obtain Y;(z) as

o1
Y1 (2) = (X(2) Hi () + Y1 () (H, (2) +2) (1 - ) +En () @175

Substituting for Hy(z) from (4.174), we have

-2

z
Yy () :X(Z)1+M(1+a+azf1_zfz)
1 N (4.175b)
+En1(2)( -z op(l —z

I1+u(l+a+azl—z72)
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The output of the integrator preceding the quantizer in the first stage is given by
L(z)=Y1(z) —En (2) (4.176a)
The output of the second stage with I,(z) as the input is
Yo(2) =z (Y1 (2) —En (2) + (1 =z Y En(2) (4.176b)
After digital scaling and subtraction, we obtain
Vi(@)=—En(@)z '+ (1 -z YEn(2) (4.176¢)
Next, after double differentiation and subtraction, we obtain Y(z) as

;=3

I1+u(l+a+azl—z72)
pz? (1= 4ol —2")
l+u(l+a+azl—z72)

Y(z) = X(2)

+Ey (2) + (-2 E() @177

Note that (4.177a) can be simplified by ignoring the (1 — z~')* terms and
ignoring the gain and frequency-dependent term in X(z) yielding finally

Y(z) = X(z) + Em (2)opuz 3 (1 — 27 )+ (1 — 271y’

Ep(2) (4.177b)

It is evident that first-order quantization noise is leaked into the final output as a
result of finite opamp gain. Assuming the noise variances of the noise sources as
02Q1 and 02Q2, the mean square noise at the output of the sigma-delta modulator can
be written from (4.177b) as

6

(opm)? T
op1 + T T, (4.178a)

2 _
INT 3R

Alternatively, the increase in mean square noise in dB can be found with respect
to the value with u = 0 as

7 (au\* (R\" (601"
AMSE(dB) = 10log,, <1+— (—“) (—) <ﬂ>> (4.178b)
3\& T oo

In a similar manner, the effect of finite gain of the opamp can be analyzed for all
sigma-delta modulator architectures.
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4.18.3.6 Effect of Capacitor Mismatch

Carrying out the analysis as before, considering ideal opamps, the final output of the
SOFOC2 modulator of Fig. 4.76 can be obtained as

Y(2) = X(z) 2 (1= (1— g jy) (1 —27")°
FEN ()1 —g i)z (1—2) (1 -1 -2
g (1= En(z) (4.179a)

2

Ignoring the gain and frequency-dependent terms in X(z) and dropping the
fourth-degree terms, we have

Y(z) = X(2) 23+ Em (2)(1 — g, jy) 2t (1—271)

+g, (1= En() (4.179b)

This shows that the effect of mismatch is to leak second-order-shaped
quantization noise. Assuming the noise variances of the noise sources as 02Q1 and
0Q22, the mean square noise at the output of the sigma-delta modulator can be
written from (4.179b) (denoting (1 — g,j;) = J) as

4 6

Y T
2 =a3 o1+ 81 - o5, (4.180a)

ey

where ¢°; is the standard deviation of §. Alternatively, the increase in mean square
noise in dB can be found with respect to the case with no mismatch (65 = 0) as

7 as 2 R 4 001 2
AMSE(dB) = 101o 1+- (= — — 4.180b
(45) B0 5 (81) (”) <6Q2> ( )

Note that the parameter o5 can be determined from the relation 6 = (1 —
g1j1k1ak1p) (taking into account the scaling by k;.k(;, which affects the path from
input /; to output V) as

g; 2 (g 2 O 2
2 Ji la 1
o;=\—) + +
? (/1 ) (k1a> <k1h>
gy 2 oy 2 O 2 (0 2
— REF1 + REF2> + < la> + (J) (4.181)
(VREFI > (VREFZ kia kip

In a similar manner, the effect of finite gain of the opamp can be analyzed for
other sigma-delta modulator architectures.
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4.18.3.7 Effect of Comparator Hysteresis

The comparators used in sigma-delta modulators can have hysteresis which is
defined as the minimum overdrive required to change the output. Defining 4 as
the magnitude of hysteresis relative to the step-size 4, its effect can be evaluated
similar to noise at the comparator input [4.118]. The sum of the quantization noise
and comparator hysteresis for a second-order sigma-delta modulator of Fig. 4.65d
can be written as

LA 1
Sy = [

=— = 44k M>1 4.182
2L + 1 MR+l 2t ] > ( )

Note also that the factor 4 arises since of the gain of the second integrator 0.5.

4.18.4 Band-Pass Sigma-Delta Modulators

So far, we have considered sigma-delta modulators that can code base-band signals.
On the other hand, it is also of great interest to be able to code band-pass signals
directly without translating the band-pass signal to the base-band. As an illustration,
A/D conversion at the I/F radio stage can follow one of the architectures shown in
Fig. 4.77a, b [4.133]. In the architecture of Fig. 4.77a, the conversion into the digital
domain is after the signal has been separated into / and Q components. On the other
hand, in the architecture of Fig. 4.77b, the band-pass signal is converted into the digital
domain at the IF location. The conversion to the digital domain at IF has several
advantages. The mismatch in / and Q paths that may exist in the architecture of
Fig. 4.77a will not exist in Fig. 4.77b. The effect of offset voltages of opamps in the
path hardware and effect of 1/f noise of opamps in the two paths can be avoided.
The need to implement precise mixers will not affect the quality of the direct
conversion. However, the sigma-delta converter needs to work at a very high sampling
frequency and the signal that needs to be digitized has a very high dynamic range.
The I and Q demodulators can be simpler if the sampling frequency is four times the
pass-band center frequency.

Several interesting architectures have been suggested to realize band-pass
sigma-delta modulators at very high frequencies which are considered in some
detail next.

The architecture of a band-pass sigma-delta modulator will be the same as that of
a first-order low-pass sigma-delta modulator except for replacing the loop filter
(realized using an integrator) by another block [4.134]. It may be noted that using a

-2
=2

loop filter with the z-domain transfer function (T) yields the output of the band-

pass sigma-delta modulator of Fig. 4.78a as

Vo(z) = =272 Vi(@)+ (1+2 %) E,(2) (4.183)
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Fig.4.77 (a) Low-pass A/D conversion and (b) band-pass A/D conversion (Adapted from [4.133]
© IEEE 1997)

It can be seen that the input signal is delayed whereas the quantization noise has a
transmission zero at frequency f,/4 (since cosf = 0 or 0 = wT = n/2). Evidently,
by choosing the sampling frequency to be four times the center frequency, the
quantization noise at the center frequency of the band-pass response can be
attenuated. It is clear that the band-pass sigma-delta modulator can be obtained by
the substitution z~' — —z~ 2 in the transfer function of the integrator block.

Several techniques have been suggested [4.134, 4.135] for the SC implementa-
tion of the pole-forming loop in the band-pass sigma-delta modulator, that is,

realizing the denominator (1 + 2_2) needed in the transfer function (11—122)

which is considered next. These are shown in Fig. 4.78b—d.

It is important to note that realized poles are exactly on the unit circle so that the
noise is cancelled satisfactorily. Equal coefficients for the constant and z~ > terms
will realize exact center frequency at fi/4 thus making the notch depth only
dependent on R in the case of Fig. 4.78b and the realized transfer function is
1 — (2 4 R)z ' + z72 This is called the LDI loop. On the other hand, in the case
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of Fig. 4.78c, a forward-Euler loop is employed with R = D = —2. In this case, the
poles can be away from the unit circle due to tolerances in R and D. The realized
denominator of the transfer function is 1 — (2 + D)z ! + (1 — R + D)z 2. Note
that the errors in R and D can move the poles inside or outside the unit circle.
However, the gain errors in the first integrator and errors in R do not affect the notch
frequency to first-order. Note also that one of the opamps used to realize the loop
can settle quickly. In the third design option, denoted as a two-delay loop and shown
in Fig. 4.78d [4.136], two delays have been used to realize a denominator of transfer
function 1 — oz 2. This case is opposite to that of Fig. 4.78a in the sense that here
the pole-frequency is fixed but the notch depth is sensitive to gain. This case is
useful only for band-pass modulators centered at f,/4.

A SC implementation of LDI- and FE-type feedback loops is presented in
Fig. 4.79. Singer and Snelgrove [4.134] have analyzed the effect of opamp finite
bandwidth and slew rate on the three configurations of Fig. 4.78b—d. It is known that
the LDI loop can be connected with two opamps together during settling or so that
they are decoupled. They point out that forward-Euler switch phasing gives a
significant advantage over LDI and its higher sensitivity to capacitor ratios does
not appear to seriously degrade the performance.
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Fig. 4.79 SC second-order FEI- (clock phasing in brackets) and LDI-based band-pass sigma-delta
modulator (Adapted from [4.134] © IEEE 1995)

Jantzi et al. [4.137] have implemented fourth-order band-pass sigma-delta
modulators using the two architectures of Fig. 4.80a, b. The architecture of
Fig. 4.80a uses an integrator-based companion form whereas that of Fig. 4.80b
uses cascaded resonators. Considering component sensitivity, the architecture of
Fig. 4.80b has been found to be better.

The noise-shaping frequency response can be derived for a 2Mth-order band-
pass sigma-delta modulator as [4.135]

H(e“T) = g (2 cos(wT)) (4.184)

Hence, the resolution can be found following a similar approach to that in the
case of a low-pass sigma-delta modulator as

M

1 g
Bits = (M + =) log, R — log, |—2———| + log, (22 —1 4.185
is ( 2) 2 gz[ 2M+1] 2 ( ) ( )
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Fig. 4.80 (a) Cascade of integrator-based companion form structure, and (b) cascade of
resonators structure (Adapted from [4.137] © IEEE 1993)

Note that the same expression applies to a low-pass modulator of half the order
of a band-pass modulator (see (4.143a)).

Ribner [4.135] has suggested the implementation based on MASH-type low-pass
sigma-delta modulators using LP-BP transformation. The reasons are (a) the low
sensitivity-to-capacitor ratios, (b) possibility of using multibit quantizers without



416 4 Switched Capacitor Filters

increasing the sampling frequency, and (c) guaranteed stability as has been seen in
the case of low-pass sigma-delta modulators. Two such structures are presented in
Fig. 4.81a, b. Note that the structure of Fig. 4.81a uses several second-order
modulators in cascade whereas the structure of Fig. 4.81b is based on a cascade of
a fourth-order modulator and a second-order modulator. It is possible to have
multiple fourth-order cascades also. Note that in the circuits of Fig. 4.81a, b, the
weighting coefficients are different from those in the LP modulators.

A SC delay circuit is immune to capacitor nonlinearity and can operate at a
higher speed. Bazarjani and Snelgrove [4.138] have suggested the use of a double-
sampled SC delay circuit as shown in Fig. 4.82a using a fully differential amplifier.
During ¢, the input is stored on the sampling capacitor Cy and during ¢b,, the
capacitor C; is switched to the output and plays the role of a holding capacitor.
In this circuit, the input is sampled every half clock cycle and it appears at the
output after a half clock cycle delay. The realized transfer function taking into
account the finite gain of the opamp is given by

1

1 _|_ % (Cs gscin>

where C,, is the opamp input capacitance.

A double-sampled resonator can be obtained by using two such delay blocks as
shown in Fig. 4.82b. It can be shown that the location of resonator pole is not
affected by the capacitor mismatch ¢ between C; and C;:

H(z) 212 (4.186)

C -2
H(z) = (1 +5)C—S’l (1 iﬂ) (4.187)

A fourth-order sigma-delta modulator can be easily derived using two such
resonators and a comparator with appropriate SC branches to feed input and the
switched reference voltages.

The mismatch in the two paths of the double-sampled circuit (see Fig. 4.83)
causes an in-band image of the signal. The effect is equivalent to feeding an input
and an attenuated version of the input to the circuit. Assuming a mismatch of delta,
the output can be written as

H(z) = (Vie(z) + 0 Vi, (2))H(2) (4.188)

Nonuniform sampling due to uneven phases (i.e., of unequal duration) also
causes images to appear in-band. Note, however, that the mismatch in the second
stage is second-order noise-shaped and will not cause an appreciable image.

Several band-pass sigma-delta modulator architectures have been described in
the literature with subtle differences. The basic band-pass sigma-delta modulator
obtained by z~' to —z 2 transformation from a low-pass sigma-delta modulator is
shown in Fig. 4.84a. Note that by simulation, the gains of the integrators have been
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Fig. 4.81 (a) Multiple second-order resonator cascade band-pass sigma-delta modulator, and
(b) fourth-order second-order resonator cascade (Adapted from [4.135] © IEEE 1994)
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Fig. 4.83 Two-path SC filter @ D,
1
— —
Vi, TR @, — Vou

>

suggested by Ong and Wooley [4.133] as shown. A two-path version of this sigma-
delta modulator for operation at double the speed can be derived as shown in
Fig. 4.84b.

The circuit can be partitioned into two independent high-pass paths as shown in
Fig. 4.84c. It is important to note that the quantization noise is not doubled due to
the two separate quantizers in the two paths, since the two paths are interleaved and
not summed. This architecture makes the modulator lead to a simple layout. The SC
circuit realizing the transfer function z~%/(1 4+ z2) is presented in Fig. 4.84d. The
transfer function of this fully differential circuit is given by

-1
CIA Zp

Cu\rs (- 1)5

Vout = (V[n (Zp) + VREF (Zp)) (4189&)

where zp_1 corresponds to a delay in a path. In the case where C,5/C5, is greater
than two due to component tolerances, the circuit can be unstable. It has been found
by simulation [4.133] that if the matching is 1%, the internal states in the circuit will
be bounded. The effect of amplifier gain can be seen to alter the transfer function as

c !
Vou = —2(1 =) "C
1+ (1 — 'y) (—Cii — 1) Z;l

C3a (Vin (zp) + Vrer (Zp)) (4.189b)

An amplifier gain of 1,500 has been found to be sufficient to reduce the image
component to —40 dB arising due to finite amplifier gain. The effect of amplifier
settling time is to result in a transfer function

v 7C1A(1 2;1
out — ~ — & .~
1+ (& -1)z

Cia
where ¢ = ¢~ 7" and T is the time for settling. If the two paths settle with different
time constants, the mirror signal is incompletely suppressed. Thus, the amplifiers in
the first stage must be designed to settle to the full precision of the modulator. The
slew-rate of the opamp will further affect the settling behavior.

Song [4.139] has suggested some modifications of the sigma-delta modulator
architectures shown in Fig. 4.85a. Note that the signs of the inputs of the summers in
an alternative architecture of Fig. 4.85b are different from those shown in Fig. 4.85a.
This architecture can enable economical realization of the resonators using fewer

(Vin (zp) + Vrer (Zp)) (4.189¢)
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Fig. 4.85 (a) Song’s fourth-order band-pass sigma-delta modulator architecture, and (b) modifi-
cation to allow the use of integrators (Adapted from [4.139] © IEEE 1995)

opamps while realizing quadrature demodulation. The reader is referred to [4.139]
for details on this approach.

Salo et al. [4.140] have described an interesting fourth-order band-pass sigma-
delta modulator architecture. The block diagram of this is presented in Fig. 4.86a.
The transfer function realized by this modulator is given by
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(4.190)

Two different choices are possible for ny, n,, a, and b given as follows: n; = 0,

m=1,a=1,b=1orn =2,n=1,a=—1, b= 2. Note that two separate
DACs have been used. The block with transfer function = (double-delay

resonator) is realized as shown in Fig. 4.86b. The SC implementation is as shown
in Fig. 4.86¢ together with the switching waveforms in Fig. 4.86d. Thus using two
opamps, the fourth-order modulator can be realized. The operation of the resonator
is as follows. In Phase 2, the charge in the sampling capacitance C is summed with
the charge in either the integration capacitor C;4 or C;z. In clock phase 1, a new
sample is taken from the input and output of the resonator can be sampled by the
following circuit. The delay of two clock phases is implemented by using two
branches A and B in which the signal value is alternately integrated. The sample
integrated two clock periods earlier is stored in the integration capacitance of the
respective branch. The feedback factor of —1 is achieved by switching the integra-
tion capacitances alternately to the opposite nodes of the opamp. The center
frequency of the resonator is f/4.

Kuo et al. [4.141] and Wang and Kuo [4.142, 4.143] studied the design of the
single-loop sigma-delta modulator using a multibit quantizer in various configura-
tions: (a) using a cascade of resonators with distributed feedback (CRFB), (b)
cascade of resonators with feedforward (CRFF), and (c) low-spread cascade of
resonators with feedforward (LSCRFF). The objective was to evolve a stable design
needing minimum capacitor spread and minimum order for realizing a specified
SNR. They consider the realization of inverse Chebychev type of noise transfer
function while realizing a signal transfer function with only zeroes on the unit
circle. The selection of the NTF is based on a figure of merit noise power gain
which is given as 1 [ (INTF (¢®)])* dw to examine the stability. Note that NTF
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decreases when the order N is increased, SCR (sampling frequency to center
frequency ratio) increases, or higher quantizer bits are used. The method has been
used for band-pass sigma-delta modulators as well. The reader is referred to their
work for more details.

4.19

P.4.1.

P.4.2.

P.4.3.

P4.4.

P.4.5.

P.4.6.

pP.4.7.

Problems

Analyze the effect of opamp offset on the SC integrators of Figs. 4.5a and
4.6a. Analyze the effect of opamp dc gain as well noise of the opamp.
Multiphase SC circuits can be analyzed using z-domain equivalent circuits.
Mulawka [4.144] has suggested the equivalent circuit of Fig. P.4.2a.
Herein, as many sections as the number of phases exist. The opamp also
gets split as n opamps. Draw a z-domain-equivalent circuit of Fig. P.4.2b
and derive the transfer function. Derive by hand as well and compare the
efficiency of both methods.

Derive a fifth-order SC filter based on component simulation technique
from prototype LC ladder filter based on the approach of Fig. 4.17.

The LDI transformation is given by s — }%,72 Thus, given an s-domain
root, we can obtain two roots in the z-domain since this relationship is a
quadratic in z~ 2. One of these will be inside the unit circle and the other
outside the unit circle. By choosing the roots mapped within the unit circle,
a stable z-domain transfer function can be constructed [4.145]. Obtain a
second-order digital filter transfer function from a second-order Butter-
worth filter with a pole-frequency of 1 KHz. Use a sampling frequency of
100 KHz.

SC filters can be obtained from active RC filters using p-transformation
[4.146] defined by s — "Tfl . The procedure is to replace the resistors using
series switched capacitors working in one phase, say even and isolating the
capacitors so that charges flow in any one phase. An example is illustrated
in Fig. P.4.5 derived from the Sallen—Key active RC filter. Derive the
transfer function and confirm this fact. Evaluate 6 and Q, of the realized
filter. What are the limitations to this method of deriving SC filters?

A SC circuit that can realize bilinear transformation [4.147] is shown in
Fig. P.4.6. Determine the realized 4Q(z) — V(z) relationship. Show that the
SC resistor of Fig. P.4.6 realizes a bilinear transformed transfer function
corresponding to the prototype Sallen and Key active RC filter.

Fried [4.148] described the application of the concept of switched-
capacitors to filters first. Analyze the SC filter of Fig. P.4.7. When you
interchange ground and input terminals (i.e., use complementary transfor-
mation), you can obtain another SC filter. Derive the transfer functions of
both these circuits and comment on these circuits.
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Fig. P.4.7 (Adapted from [4.148] © IEEE 1972)

P.4.8.

P.4.9.
P.4.10.

P4.11.

P4.12.

P.4.13.

P.4.14.

P.4.15.

Compare the various s to z transformations (a) s — 1’T"7| ,(b)s — ITZ{II ,(©)

s — }%f/lz ,(d)s — ;Elliij)) regarding their mapping properties.

Analyze the effect of finite opamp gain on the circuits of Fig. 4.14a—d.
Show that the Q realized by the transfer function (4.75b) is #(/3) [4.52].

Analyze the effect of offset voltage of the opamp on the circuit of Fig. 4.14a
(see (4.38)).

Evaluate the dc gains taking into account the finite opamp gain A on the SC
integrators of Fig. 4.44a—e.

Evaluate the dc gains taking into account the finite opamp gain A on the
amplifiers of Fig. 4.46a-b.

Derive expressions for the change in pole frequency and pole-Q of a two-
integrator loop in terms of the magnitude and phase errors of the lossless
and lossy integrators (see (4.137a) and (4.137b)).

Analyze the effect of opamp finite gain on the sigma-delta modulators of
Figs. 4.67a—d.
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Fig. P.4.19 (Adapted from [4.158] © IEEE 1983)

P.4.16.

P.4.17.

P.4.18.

P.4.19.

P.4.20.

P4.21.

Analyze the effect of capacitor mismatch on the Sigma-delta modulators of
Fig. 4.67a—d.

Derive the transfer function of the SC integrator of Fig. P.4.17. Compare
with other SC integrators of Fig. 4.6a, b, ¢ with C3 = 0.

Derive the transfer function of the SC circuit of Fig. P.4.18. and evaluate
the performance.

Derive the transfer function of the SC filters of Fig. P.4.19a, b. Show that by
choosing input properly, a LP filter can be realized from a high-pass filter.
Analyze the circuit of Fig. P.4.20 and derive the condition for realizing
a bilinear integrator. Compare this circuit with other bilinear integrators.
Analyze the circuit of Fig. P.4.21. Determine the condition for realizing a
bilinear integrator and compare it with other bilinear integrators.
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P.4.22. Analyze the general SC circuit of Fig. P.4.22 using Laker’s equivalent
circuit method. Derive the condition for having output held over a clock
period.

P.4.23. Realize a fourth-order direct form filter using the three-phase delay of
Enomoto (see Fig. 4.43b).

P.4.24. A parasitic-compensated differential integrator is shown in Fig. P.4.24.
Derive the transfer function and obtain the condition for exact parasitic
compensation.

P.4.25. Analyze the three Martin—Sedra SC biquads [4.4, 4.151] of Fig. P.4.25a—c.
Compare them with the Fleischer—Laker SC biquad of Fig. 4.8a.

P.4.26. An electrically programmable SC filter [4.152] is shown in Fig. P.4.26.
Analyze the circuit and derive expressions for pole-frequency, pole-Q, and
gain. Discuss the limitations of this circuit.

P.4.27. Cox et al. [4.153] presented a programmable SC filter presented in
Fig. P.4.27. Derive the design equations for various capacitor ratios for
realizing the desired pole-frequency, pole-Q, and gain.

P.4.28. A programmable SC filter [4.154] is shown in Fig. P.4.28. Analyze the
circuit and derive expressions for pole-frequency, pole-Q, and gain. Com-
pare this with the two filters considered in P.4.26 and P.4.27.

P.4.29. Derive a stray-insensitive SC filter from Bach’s active RC filter using

p-transformation. Evaluate the design compared to the Fleischer—Laker
biquad.
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P.4.30.

P.4.31.

P.4.32.

P.4.33.

P.4.34.

Derive a SC filter [4.159] from the Tarmy—Ghausi active RC filter of Fig.
2.25a. Discuss its advantages and limitations and derive the design equations.
Derive the expression for AQ(z) — V(z) relationships at the input port of the
four-phase SC circuit of Fig. P.4.2b. Find the conditions under which a
lossless floating inductance is realized.

Design a LDI-type SC ladder filter for a sampling frequency of 100 KHz
and cutoff frequency of 11 KHz. The prototype with Chebychev 0.1 dB
ripple is shown in Fig. P.4.32.

Design a bandpass filter from the third-order Chebychev prototype (see
Fig. P.4.32) for 0.1 dB ripple, center frequency of 10 KHz, and bandwidth
1 KHz. Construct a leap-frog active RC implementation and SC implemen-
tation using bilinear transformation.

Derive an N-path SC filter from the two-phase SC filter of Fig. 4.6b using
z — 7" transformation. Explain the operation and plot the frequency
response.
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P.4.35. A SC balanced modulator [4.10] is presented in Fig. P.4.35. Explain the
operation of the circuit. Use a PSPICE program to obtain the time domain
behavior.
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Chapter 5
Practical Designs of VLSI Analog Filters

In the previous chapters, design techniques for active resistance capacitor (RC),
operational transconductance amplifier (OTA) capacitor (OTA-C), and switched-
capacitor (SC) filters have been covered in great detail. In this chapter, we survey
the state of the art of implementations. The objective is to bring to the attention of
the reader how the various requirements such as low power, low voltage operation,
high operating frequencies, and low area are addressed in practice. The evolution of
contemporary design techniques has been continuing since the 1980s and many
ideas developed have been employed and improved to meet the above-mentioned
requirements. We present here work done more recently, since 2002. The figures of
merit needed for comparing various design techniques, typical specifications,
practical considerations, and tuning techniques are presented appropriately. We
deal with active RC designs, OTA-C designs, and LC filters separately. Since
Chap. 4 dealt with SC filters in great detail, and there has not been much recent
development, we have not focused on those. We follow the description given by
respective authors regarding total system design: filtering functions, tuning loops,
programmability, and details of active device design since these diverse approaches
cannot be easily unified.

5.1 Integrated Resistors and Capacitors

Double polysilicon capacitors offer good matching and low parasitic capacitance to
substrate of 1% of the nominal value compared with 50-100% if metal layers are
used. Polysilicon resistors exhibit good linearity of around 50 ppm/volt. For high
linearity applications, passive components must be used for realizing time constants.
Tunability of responses using passive components can be achieved by programmable
resistor and capacitor arrays. The four types of programmable resistor and capacitor
arrays are shown in Fig. 5.1a—d [5.1, 5.2]. Of these, (a) and (d) are preferable, taking
into account the area requirements for a given tunability range. As an illustration
for a five-bit control, considering a nominal value of the component C,,,,,, or R,,,,, and
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Fig. 5.1 (a) Parallel
capacitor array, (b) a parallel
resistor array, (c) a series
capacitor array, and (d) a
series resistor array (Adapted
from [5.1] ©IEEE 1992)
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Table 5.1 Design examples of four types of PCAs and PRAs (Adapted from [5.1] ©IEEE 1992)

Cror
Array Design specification Rror &tk %) €ax (%)
Parallel capacitive Chax = 40 pF, x =50,N =5 59.38 pF +3.13 —2.94
Series capacitive Chax =40 pF,x =50,N =5 1918 pF +3.03 -3.03
Parallel resistive Riyax = 80kQ, x = 50,N =5 3836kQ +3.03 -3.03
Series resistive Ryax = 80kQ, x =50,N =5 118.8kQ2 +3.13 —2.94

a50% tuning range (i.e., x = 50), the area and quantization error limits are presented
in Table 5.1. Evidently, designs (a) and (d) require the least area. Considering the
switch parasitic capacitance and ON resistance, it can be shown that the parallel
capacitive array has better performance than the series resistor array.

5.2 Active RC Filter Designs for Wireless Applications

The low-pass filter cutoff frequencies needed for various wireline and wireless
standards within the 1- to 20-MHz range are presented in Fig. 5.2a.

Asalanzadeh et al. [5.3] have described a fifth-order reconfigurable power
adjustable active RC low-pass filter to meet all these requirements. This can be
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Fig. 5.2 (a) Diverse wireline/wireless applications with unevenly spaced cutoff frequencies,
(b) top-level filter architecture, (¢) biquad used in (b), (d) capacitor array for frequency selection,
(e) continuous impedance multiplier (CIM), (f) biquad circuit used for analysis, (g) CIM,
(h) opamp, and (i) CMFB loop schematic (Adapted from [5.3] ©IEEE 2009)
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used for base-band filtering for a variety of applications needing cutoff frequencies in
the range of 1-20 MHz. This architecture uses a first-order section followed by two
second-order sections. A first-order, third-order, or fifth-order transfer function can be
obtained by switching off the appropriate stages and taking the outputs at the first or
second stage or after the third stage. The architecture of the fully differential filter is
presented in Fig. 5.2b—e and the biquad circuit is shown in Fig. 5.2f. The frequency
tuning is done in three ways. First, a Chebychev- or inverse Chebychev-type transfer
function is selectable by the switch Cheby/ICheby (see Fig. 5.2c—e). Next, program-
mable capacitor arrays controlled by S, S, and S, together with the resistance
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control of n using the switch S3 are used to select the frequency band. Next,
continuous change in pole frequency is feasible using a fixed value realized by the
resistors Reuepy, Ricnesy, "RcuEsys MR icnepy together with a continuous imped-
ance multiplier (CIM). This uses a T network, whereby changing the k value, the
total resistance can be changed. Note that this configuration is applicable only when
the terminal B faces virtual ground. The resistance R/k is realized using a NMOS
transistor with a continuously variable control voltage V. (see Fig. 5.2g). The control
voltage is obtained using a control loop, shown in Fig. 5.2b. In this technique, the
input and output of a reference band-pass biquad implemented on the same chip are
multiplied and the output signal is integrated using a low-pass filter to derive the dc
control signal. Note that the phase difference ideally should be 90°. The control
varies to satisfy this requirement.

The design also has a power adjustment feature. To maintain the stability margin
while optimizing power, power is scaled to make w,/B constant when w, is
reduced. Note that at high pole frequencies, high power consumption will exist.
There is a tradeoff between phase margin and Gain Bandwidth Product (GBW) for a
given o, and Q. The biquad realizes a sixth-order transfer function taking into
account the first and second poles of the operational amplifiers. The authors define a
parameter “minimum acceptable phase margin” and derive the condition for stabil-
ity under different conditions. The power adjustment signal adjusts the bias currents
of all the operational amplifiers (opamps) as well as that of the common-mode
feedback (CMFB) circuit (see the complete opamp circuit in Fig. 5.2h, i) simulta-
neously. The opamps use three stages Since of the low supply voltage and moder-
ately low load resistance. A CMFB circuit using an RC divider network is
employed. The opamps used nested Miller compensation and all stages are
inverting stages. Stability is ensured by proper choice of R,,;, , and ensuring that
Cot <K Cppo.

Balankutty et al. [5.4] have proposed a zero-IF/low-IF receiver for 2.4 GHz ISM
band applications. The architecture of this design in the 90 nm CMOS process is
presented in Fig. 5.3a. The RF front-end consists of a single-ended low-noise
amplifier (LNA) followed by a quadrature mixer to perform down conversion and
single-ended to differential conversion. The local oscillator signals are derived
from a 4.8-GHz fractional synthesizer operating from a 32-MHz reference clock.
The LNA provides a 50-ohm input matching impedance at 2.4 GHz. Active
polyphase buffers are used to provide the LO signal to the / and Q channel mixers.
The variable gain complex band-pass filter rejects out of band channel blockers
and provides programmable gain. The receiver caters to both Zigbee (802.15.4) and
Bluetooth (802.15.1) applications. The radio specifications of Bluetooth and Zigbee
are presented in Table 5.2. It can be seen that the channel filter for receiving
Bluetooth signals in the low IF mode is 2 MHz and hence a band-pass filter is
used. On the other hand, for Zigbee application using zero-IF mode, a base-band
low-pass filter of a 1-MHz cutoff frequency is used. A three-wire serial interface is
used to program and control the receiver.

To improve the linearity, in this design the filter precedes the variable gain amplifier.
This requires that the filter noise be very low which leads to higher power consumption.
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Interleaving gain and filtering will optimize the noise and linearity performance.
Due to the low voltage operation, active RC circuits have been employed Since of
their superior linearity performance. The authors’ design is for a standard Bluetooth
since the channel spacing is low for Bluetooth and hence has more stringent filtering
requirements exist. A sixth-order Butterworth filter needs a maximum Q of 2 for
any biquad section; therefore, it is preferred over a fourth-order Chebychev response.
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Fig. 5.3 (a) Block diagram of the dual-mode Zero-IF/low-IF 0.6 V receiver, (b) signal flow graph
of a complex second-order active filter, (c) circuit implementation of (b), and (d) 0.6-V OTA
schematic with circuit for operating the body bias (Adapted from [5.4] ©IEEE 2010)
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The design uses Tow—Thomas biquads. Due to the low pole-Q, the bandwidths of the
OTAs can be lower.
1

In a complex first-order filter, a first-order transfer function e is transformed

o

to a band-pass transfer function W A second-order complex filter signal flow

o

graph and active RC implementation are presented in Fig. 5.3b, c. In the zero-IF
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Table 5.2 Radio specifications for Bluetooth (802.15.1) and Zigbee (802.15.4) operating in
2.4-GHz ISM band (Adapted from [5.4]©IEEE 2010)

Bluetooth Zigbee
Frequency band [MHz] 2,400-2,480 2,400-2,483
SNR at demodulator [dB] 15 7
Channel bandwidth [MHz] 1 2
Data rate [Mbps] 1 0.25
Min. receiver sensitivity [dBm] —70 —85
Receiver noise figure [dB] <28 <19
Channel spacing [MHz] 1 5
Alternate channel rejection [dB] 30 30
Receiver IIP; [dBm] -21 -20
Received signal power [dBm] <-=20 <-=20
Synthesizer phase noise (@1 MHz offset) [dBc/Hz] —110 —88

mode, cross-coupling switches Sy, S, S1¢, and S, are opened to obtain a low-pass

filter. The cutoff frequency is given by w, = W. The capacitor and

resistor values are set to realize the bandwidth of 1 MHz as well as to achieve low
input referred noise of the filter (<3 nArms). In the low IF mode, the switches are
closed and the filter characteristic shifts to a frequency ., given by w, = m
= m Note that the filter capacitors are doubled in the low-IF mode to set the

bandwidth to 1 MHz.

Since the GFSK spectrum used in Bluetooth has high energy at dc, a low IF
architecture is preferred to avoid degradation due to 1/f noise. Since the bandwidth
of the Zigbee signal is higher, the 1/f noise is of no consequence. A direct
conversion receiver therefore is preferred for Zigbee.

The filter is tuned by using thermometer-coded and binary-weighted switched
capacitors. The use of SCs helps to eliminate the nonlinearity of the varactors. In the
low IF mode, the bandwidth can be tuned from 250 KHz to 2.2 MHz in steps of
40 KHz and in the zero IF mode, the filter bandwidth is tunable from 800 KHz to
2.1 MHz in steps of 30 KHz. The switches for tuning the filter bandwidth and cross-
coupling switches are connected to the virtual grounds of the OAs since the signal
swing that needs to be handled will be low. A nonminimum-length transistor with 600-
mV forward body bias is used to reduce V7 so that the switch can be turned on stronger.
The ordering of the pole-Qs of the biquads is Q = .517, Q = .707, and Q = 1.93
from the first to third stage, respectively. A variable gain of 0-24 dB is implemented in
the input resistors of the second stage by using switched binary weighted resistors.

The OTAs (see Fig. 5.3d) are two-stage Miller-compensated types with input and
output common mode voltage set to 0.3 V. Forward body biasing is used in the first
stage to reduce the V- of My, and My, to 150 mV (V4 of 200 mV). Nonminimum-
length devices are used to exploit the reverse channel effect. Second-stage
transistors do not employ forward body bias because the biasing is more flexible
in the second stage. The common mode rejection is achieved by the CMFB ampli-
fier, which needs a bias current comparable to that in the first stage. The forward
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body bias applied to transistor M, and M, is adaptive. The Vg of the transistor
M4, which is fed with reference current, is compared with a fixed reference voltage
and the error voltage is amplified to generate the needed body bias.

Shih et al. [5.5] have described a 250-MHz analog baseband chain for ultra-wide
band (UWB) in 1.2 V 0.13 pCMOS process. A UWB receiver block diagram is
shown in Fig. 5.4a. The RF front-end has a low gain so that the level of interferers
is contained in the next analog baseband. The authors chose a current mode
implementation since at low voltage, achieving high linearity with voltage mode
circuits in deep submicron processes is very difficult. Voltage mode circuits also
tend to have lower bandwidth at high closed-loop gains. A current mode
Sallen—Key low-pass filter is used followed by programmable gain amplifiers
(PGAs) and low-pass filters. At the output of the RF front-end, a large signal
swing generates harmonics due to the nonlinearity of the MOS transistors used in
mixers. Hence, translating the signal from the voltage domain to the current domain
contains the signal swing. The WLAN 802.11a is only 700 MHz away from the
4.5-GHz channel, and therefore a single-pole low-pass filter is not adequate. Hence,
this design uses a second-order current mode Sallen—Key filter. The complete
baseband chain is presented in Fig. 5.4b. Following the Sallen and Key current
mode filter, current mode programmable gain is realized in three stages. This is
followed by a sixth-order voltage mode G,,-C filter, and again a chain of PGAs
follows the G,,-C filter. An I/V converter is employed whose output is buffered to
deliver the final output. The hardware is duplicated in the Q channel. The reader is
referred to [5.5] for a detailed discussion on the current mode PGA. We restrict our
attention here to the filtering subsystem.

A Sallen and Key current mode filter is presented in Fig. 5.4c. This can be obtained
by applying the adjoint technique [5.6]. The realized transfer function taking into
account the finite input resistance of the current amplifier can be derived as

10 S2C1 C2R1 I‘,'+SC2}",‘—F

Iin $2C1 Co(Ri Ra+7:i (Ri+R2)) +5(Ci (Ri+R2) +Co (Ri+Ry (1+F)) +1
5.1

Note that due to finite r;, transmission zeroes are created. The notch frequency
can be designed to lie in the range of 1.2—1.4 GHz to filter the interference signals,
whereas the pole frequency is 250 KHz. Note that in this fully differential circuit,
transistors M,;—M, form a series—series feedback-based current mirror with low
input resistance. The currents are mirrored to generate FI; as needed.

The sixth-order G,,-C filter is presented in Fig. 5.4d and is based on an LC ladder
structure and is fully differential. The schematic of the G,, cell is shown in Fig. 5.4e.
This uses the superfollower structure to improve the linearity. The G,, cell also has a
common mode feedback loop as shown. The tuning of the G,, cell is carried out by
having a calibration loop as shown in Fig. 5.4f. This consists of a G,, cell, a capacitor
array, a comparator, and a digital controller. An accurate reference clock is used to
control the switch across a voltage source V;, and the output of the G,, cell to decide
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the charging time of the capacitor array. The output voltage of the G,, cell is
compared with a Vggr. By using successive approximation search, the digital
controller controls the capacitor array.

Vasilopoulos et al. [5.7] described a low-power, wide-band, reconfigurable
integrated active RC filter. This realizes a fifth-order Chebychev or a third-order
elliptic filter cascaded by a second-order delay equalizer. The cutoff frequency can
be set either to 5 or 10 MHz. The active RC filter structure is presented in Fig. 5.5a
and comprises a first-order filter cascaded by two biquads. In both cases the pass-
band ripple is 0.1 dB and passband gain is 0 dB. Digital control signals are used to
control the various resistors and capacitors using programmable arrays of the type
shown in Fig. 5.5b, c. The structure of these can be controlled by one bit, as shown
for typical resistance R4 and capacitor C4c. Each resistor in the configuration of
Fig. 5.5d has three-bit control made up of a series-parallel connection of unit
resistors. This has a constant part R,.,,,, together with a programmable part, yielding
a total resistance of R.,, + 21'2:0 2 %. The signal BAND controls the bandwidth of
the filter. The variable part of the resistance is used for time constant compensation.
All the switches are implemented using NMOS transistors with a driving voltage of
2.7 V derived from the 1 V power supply using a charge pump circuit.

The opamp employed is as shown in Fig. 5.5e, which uses two types of
compensation: (a) R in series with C as well as (b) cross-coupling through
the capacitors Cg. This technique has been found to increase the bandwidth of the
opamp. The CMFB loop is also shown in Fig. 5.5e. The fully differential opamp
uses a resistor in place of a current source for common mode rejection purposes at
the expense of reduced CMRR since low voltage operation is desired. The voltage
Ve 1s typically 500 mV and is produced by the circuit, as shown. Note that V¢, is
V, of device M,,. The transistors Ms, and Ms, pass the same current if their V, is
equal. The loop that closes through Ms,, Msg, Mg, M74, and M75 maintains the dc
output voltage equal to V. The capacitors C; and C, improve the loop phase
margin so that common mode oscillations cannot be sustained.

The authors have used the RC oscillator of Fig. 5.5g together with the automatic
tuning scheme of Fig. 5.5f for controlling the time constant variation. The nominal
frequency of the oscillator is 500 KHz. A 32-MHz clock is used to clock a down
counter preset to 32. The counter is enabled using the 500-KHz clock. The resistors
of the oscillator are controlled by three bits. If the oscillator period is greater than
the nominal, the down converter will reach a negative value. On the other hand, if
the oscillator frequency is lower, the down counter will stop before it goes to zero.
The down counter final value is added to the digital word that controls the register
so that the resulting new digital word will be fed to the various resistors. Until a
significant change occurs, the digital word remains the same.

The advantage of the tuning approach is that it corrects the oscillator frequency
in one iteration of the algorithm.

Ghittori et al. [5.8] have described a multimode DAC+filter for reconfigurable
transmitters for WLAN/UMTS and WLAN/Bluetooth application. Two devices
have been proposed: (a) for WLAN IEEE 8012.11 a/b/g with a base-band width
of 10 MHz and UMTS with a base-band width of 2.34 MHz, and (b) WLAN and
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resistor used, (e) schematic of the operational amplifier, (f) conceptual control loop, and (g)
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Bluetooth with 500-KHz base-band width. The architecture of the transmit chain is
shown in Fig. 5.6a. The overall DAC and filter structure is shown in Fig. 5.6b. Note
that the DAC is based on a current steering thermometer type. The programmable
reconstruction filter is a fourth-order Bessel filter realized using a cascade of two
Rauch (multiple feedback) low-pass filters. Note that the resistors can be selected
using the bit BS. A 4-bit digital tuning circuit is provided since the tolerance needed
to adjust the capacitor values is 35%. No cutoff frequency tuning was deemed
necessary. The opamp bandwidth was 30 times the pole frequency. Fully differen-
tial Miller-compensated opamps have been employed. The opamp bandwidth is
reduced for UMTS and Bluetooth modes because the needed pole frequencies are
lower in this case. This is achieved by reducing the g, of the first stage/bias current.

The current steering DAC has 255 unit current sources, each of which is
implemented using a NMOS transistor in the saturation region. These are
connected to a differential switching pair that diverts the current to a positive or
negative output node depending on the digital control provided by the binary
thermometer coder.

Kousai et al. [5.9] have described a fifth-order active RC Chebychev low-pass
filter for meeting draft 802.11n next generation WLAN requirements. They have
considered the nonidealities of the opamps, finite bandwidth, and nonidealities of
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Fig. 5.6 (a) Direct conversion transmit chain, (b) overall DAC+filter structure (Adapted from
[5.8] ©IEEE 2006)

programmable resistors. The variable resistor can be realized as shown in Fig. 5.7a
or in the “one-hot” configuration shown in Fig. 5.7b. However, the latter has the
advantage that one parasitic capacitance is at virtual ground of the opamp, whereas
the other parasitic depends on the tap position. Due to the distributed parasitic
capacitance, the equivalent pole-frequency of the resistor can be very low. As such,
the authors use the configuration of Fig. 5.7c which also is a one-hot configuration
and has the equivalent circuit as shown. An integrator using such a variable resistor
can be compensated by using a resistance in series with the integrating capacitor as
is well known.

The authors have realized a fifth-order ladder filter as shown in Fig. 5.7d. By
switching the capacitors Cy, C,, and C3, the bandwidth can be changed between 19.7
and 8.9 MHz. Fine tuning of the bandwidth is possible using Ry between 19.3 and
20.1 MHz.

The second-order LPF replica shown in Fig. 5.7e is used to facilitate tuning the
main filter of Fig. 5.7d. This replica filter is similar to the third factor (quadratic
factor) of the fifth-order transfer function. The tuning procedure is illustrated in
Fig. 5.7f. Using R,, the pole-frequency can be tuned and next using R4, compen-
sation can be achieved. The filter tuning system is presented in Fig. 5.7g which uses
a clock of 40 MHz/20 MHz and generates 20 MHz/10 MHz. This will generate
differential input signals for the replica filter and reference signals (see Fig. 5.7h).
The signal is fed to the replica filter whose output amplitude is compared with the
reference signal. Ideally, the amplitude should be 16 V,,/x.
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The amplitude comparator shown in Fig. 5.8a uses the SC technique. The control
block adjusts Ry to minimize the phase difference due to the nonideal opamp
bandwidth. Next, Qg is tuned using R, based on the amplitude comparator.

The schematic of the amplifier used is shown in Fig. 5.8b. It is a two-stage
amplifier followed by a common source amplifier. The differential amplifier is a
folded cascode type. The biasing circuit is shown in Fig. 5.8c where I-onsr and
IpraT are temperature-independent current and current proportional to the tempera-
ture generated by a bandgap reference.

Yoshizawa and Tsividis [5.10] have proposed a channel select filter with agile
blocker detection and adaptive power dissipation. In order to keep the power
dissipation low, a detector circuit monitors the blocker levels and controls the bias
currents of the filter. The block diagram of such a system is shown in Fig. 5.9a. This
concept is applied to a first-order active RC filter as shown in Fig. 5.9b. The
differential input signal of the opamp is nonzero due to the finite bandwidth of
the opamp. A level detector monitors this signal and generates a bias voltage that can
control the open loop gain of the opamp by controlling the transconductance.

To monitor the blocker signal level, it may be preferable to have a frequency
selective characteristic before the peak detector circuitry. The circuit of the level
detector is presented in Fig. 5.9c. The circuit performs preamplification, CM
rejection, peak detection, and loop filtering. The input capacitors block the dc
signal. An integrator is used as the loop filter so that the dc gain of the loop filter
is large and hence small v, can be sensed. Dynamic biasing in the loop filter helps
fast ramp-up when a large blocker appears. Two differential pairs are used that are
initially used to reduce the attack time. When P, turns on, the 1 pA differential pair
goes off. The operating current reduction makes the loop filter time constant larger.
The amplifier used follows the scheme of Fig. 5.9d wherein the common mode path
and signal path are different. The CM path is through TA2 and TA3 whereas the
signal path is through TA1. Such separation ensures that the signal path bandwidth
is more than that of the common mode feedback path.

The complete fully differential class AB output stage is shown in Fig. 5.9e. The
current mirrors M; and M, provide quiescent current to the opamp. The cascaded
PMOS pair M3 and M, provide the error control current /-y (10-150 uA) through
control by Vyr. A class AB output stage is employed. The frequency compensation
uses cascode Miller forward-type through two capacitors C¢ and Cy (see Fig. 5.91).
At low frequencies, Cyis not effective. At high frequencies, the current through C¢
cancels the phase shift caused by M, with Cp; (where C,, is the parasitic capaci-
tance at drain of M;). Yoshizawa et al. [5.10] have applied the proposed technique
for a fifth-order leap-frog type active RC ladder filter in the first and second stages
as in the subsequent sections; the blocker level would have already been reduced
(see Fig. 5.9g).

Hollman et al. [5.11] have described a dual-mode band-pass filter for PDC and
WCDMA. In PDC mode, the cutoff frequency is 13 KHz and a third-order filter will
be required whereas in the WCDMA case, a fifth-order Butterworth filter with
cutoff frequency 2.1 MHz will be needed. The complete circuit of the filter is
presented in Fig. 5.10a.
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The filter is based on the leap-frog ladder technique. In PDC mode, the second
and third opamps are disconnected and powered down. A gain of 18 dB was imple-
mented in the filter. The first opamp bias current was twice that of the other opamps
so as to reduce distortion. The opamp is presented in Fig. 5.10b with PMOS input
transistors for low noise design. The opamp is Miller compensated with RHP zero
nulling resistors realized using NMOS transistors. The GBW was made program-
mable. In the PDC mode, the bandwidth is lower and therefore the bias current can
be reduced. This is done by switching the width of the PMOS current source
transistors (see Fig. 5.10b). The corner frequency was made tunable using PCAs
for capacitors. Five-bit tuning was used. The capacitors were shared between the
two modes. As a consequence, the resistor spread will be higher between the two
modes. Large resistors were realized using T networks.
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5.3 Active RC Filters for ADSL

A fourth-order Chebychev high-pass filter for asymmetric digital subscriber line
(ADSL) and VDSL receivers in a 65 nm CMOS process has been described by Lin
et al. [5.12]. The ADSL signal spectrum at the customer premises equipment (CPE)
is shown in Fig. 5.11a. This uses frequency division multiplexing with DMT
(discrete multitone) signaling. The upstream band exists from 25 to 276 KHz. The
analog front-end architecture for ADSL/VDSL application is shown in Fig. 5.11b
which contains a high-pass filter in the receive path to allow only the downstream
frequency band. The long loop with bridged taps of about 15,000 ft. attenuates the
receive in-band signal from the local transmitter. The front-end needs to perform
echo cancellation for the signal from the local transmitter (25-138 KHz) signal
which may be large due to the ineffective hybrid function. The presence of HPF
reduces the echo signal. The high-quality LC filters conventionally used are costly
whereas the low-quality LC filters generate noise pickup and are nonlinear. More-
over, this LC high-pass filter is not tunable to support various ADSL modes (Annex
A, B, M) which have different frequency bands [5.13]. State-of-the-art systems use
very high bit rate DSL (VHDL) which may extend up to 17-MHz frequency band for
which a high-pass filter may not be necessary in the case where there is no trans-
mission in the 28—138 KHz band. However, the passive high-pass filter cannot be
bypassed. The active version of the HPF features low noise the same as that of the LC
filter in the range 2-3 nV/VHz and cutoff frequency of 140 KHz.

The Lin et al. architecture [5.12] uses innovative techniques to reduce the noise.
The evolution of their architecture is sketched in Fig. 5.11c. The top architecture
uses integrators and resistive feedback. The architecture shown in the middle uses
capacitive feedback so that the noise contribution of the resistors Ry, R, R4, R¢, Rg,
and R in topology 1 does not exist in this case. The topology in the bottom shown in
Fig. 5.11c uses capacitive feedback and also feedforward in order to realize trans-
mission zeroes. Scaling for minimum noise can be done by scaling the capacitors
properly. The authors have shown that the third topology requires half the capaci-
tance of topology 2 and one fourth that of topology 1.

The complete circuit of the fully differential filter is shown in Fig. 5.12a. Note that
the gain of the filter is programmable from —12 to 30 dB with a 6 dB step by changing
the capacitor ratio C,/C,. The four integrator resistors vary with the gain control to
maintain the dynamic range. The corner frequency of the filter is variable from 160,
320, and 640 KHz and is also fine tunable from —30% to 40% with a 10% step to cover
process variation. All tuning is done by programming Rj3, Rs, R;, and Ro. Filter
dynamic range is programmable by varying integrator resistors and capacitors Cg
and C, to support PAR (peak-to-average ratio) of 6.5-7.3. The summing amplifier
(see Fig. 5.12b) is a two-stage amplifier. A combination of cascode compensation and
Miller compensation has been used. Compensation capacitors track the changes in the
programmable gain in order to maximize the closed-loop bandwidth. A PMOS input-
type differential amplifier with a small gate area has been used to reduce the noise.
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Fig. 5.11 (a) ADSL CPE frequency spectrum, (b) AFE block diagram, and (c) fourth-order single
loop HPF topologies (resistive feedback, capacitive feedback, modified capacitive feedback)
(Adapted from [5.12]©IEEE 2009)
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The NMOS devices Mg, My, M9, and M, in the common mode feedback path use
emitter degeneration to reduce their flicker noise.

The RC time constant variation by £ 30% over process and temperature is taken
care of by having a frequency control loop. A relaxation oscillator shown in
Fig. 5.12c is used to generate an oscillation frequency proportional to 1/R,C,.
These devices are matched with those in the filter. The resistors are tuned using a
3-bit control for a tuning accuracy better than 10%. The RC time constant is
extracted and converted to digital form using a counter running at a known crystal
oscillator frequency.
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Fig. 5.12 (a) HPF top-level diagram, (b) summing amplifier schematic, and (¢) RC-based
relaxation oscillator showing timing of discrete resistor (Adapted from [5.12] ©IEEE 2009)
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5.4 Active RC Filters for Software Radio

Giannini et al. [5.14] have described flexible base-band analog circuits for software
radio front-ends. The architecture of their chip presented in Fig. 5.13a uses switch-
able opamps (SOA) shown in Fig. 5.13b which can be switched off and whose
bandwidth can be programmed using a PCA for the Miller capacitor. Several SOAs
can be connected in parallel to realize a flexible opamp. The common mode signal
is obtained by using programmable resistors Reypn, (see Fig. 5.13c). The flexible
opamp (FLOA) features reconfigurable bandwidth, dynamic impedance scaling,
and power scalability. A sixth-order filter comprising two active G,,-RC cells and
one Rauch filter are used as shown in Fig. 5.13d. The Rauch cell improves the
linearity whereas the active G,,-RC cells have a limited linearity due to the lack of
virtual ground. The power will not scale with the change in cutoff frequency of the
Rauch filter whereas in the active G,,-RC filter, the unity gain bandwidth scales
with the cutoff frequency. The variable gain amplifier (VGA) is made up of two
gain stages using programmable resistor arrays and one of the stages can be
bypassed if needed (see Fig. 5.13e).
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5.5 Active RC Filters for Other Applications

Tekin et al. [5.15] extended the well-known noise shaping techniques used in
oversampled A/D converters to active filters. They observe that FDNR-based filters
can be designed to shape the noise due to resistors and opamps so that the noise is
high-pass in nature and lies outside the pass-band. The architecture of a third-order

2 RX baseband
DCO comp
-
= LPF VGA
=
w » o
= >
Q
5 >3 N
[+ 4
'S
e
(4
p—
( NETWORK on CHIP )
( QoS Manager )
b
— 00

<
£

al | 1 I |
| | |

™ e ”W.Eé._i M21 M2
—a

g I_ ........ o B P
@ E | Ew Mgﬂ Hﬂu
Plagl
B

‘ i

-

=

L=

Fig. 5.13 (a) Analog base-band section for software-defined radio front-end, (b) switchable
Miller opamp, (c) simplified structure of FLOA (flexible opamp), (d) flexible low-pass filter
using G,,-R-C and active RC Rauch sections, and (e) variable gain amplifier (VGA) (Adapted
from [5.14] ©IEEE 2007)
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prefilter is shown in Fig. 5.14a which results in low noise and high dynamic range.

A mixer precedes the third-order elliptic filter in the receiver as shown in
Fig. 5.14b. The resistor R, belongs to the mixer and also serves as part of the filter.
The transfer function of this filter of Fig. 5.14b can be derived as

Vo R (s°DR. +1)
liy  SDR. Ry Cy+5*(DR.+DRy) +sRy Cr+1

(5.2)

where D = %. It can be shown that the noise transfer functions of resistors

R1, R,, and R; are high-pass-shaped. The noise of resistor R, is second-order and
hence can be ignored. The noise due to opampl and opamp2 are dominated by the
“s” term in the numerator of the third-order transfer function. The total integrated
noise can be reduced by choosing a small C; value. However, scaling for optimal
dynamic range within the FDNR block so as not to saturate opampl and opamp2
necessitates a larger value of C;. The advantage of noise shaping is that the design
can use large resistors and reduce the capacitance leading to a low chip area.

The second stage—post-mixer amplifier (PMA)—uses the topology of
Fig. 5.14c which is based on an instrumentation amplifier. In this, an asymmetric
FDNR (AFDNR) is used. In this case, the current at one port satisfies the V-I
relationship of a FDNR whereas the other port is connected to the opamp output as
shown. This configuration helps to attenuate the blockers while still maintaining a
low input referred noise for the PMA section. The transfer function of the instru-
mentation amplifier of Fig. 5.14d can be derived as
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Fig. 5.14 (a) Block diagram of filter cascade employed in mobile TV tuner, (b) single-ended
schematic of the third-order elliptic filter at the mixer output, (¢) amplifier with AF(asymmetric
floating) FDNR feedback, (d) fully differential implementation, and (e) folded cascode class AB
opamp schematic (Adapted from [5.15] ©IEEE 2009)
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Vo 4 Rf (s°DR.+1)
Vie  Rin(SSDR. Ry Cy+5* (DR.+DRy) + sRy Cy+1)

(5.3)

At low frequencies, this reduces to 1 + (R/R;,). The folded-cascode based
opamp schematic used in this design is presented in Fig. 5.14e which has a class
AB output stage.

Ozgun et al. [5.16] have discussed techniques for power optimization of active
filters and have suggested guidelines for designing filters for zero-IF receivers.
Depending on the received input signal level, the power dissipation can be dyna-
mically adjusted. Two filters can be optimized for different dynamic ranges and one
of these can be selected. However, there can be transients during switching from
one filter to another. Ozgun et al. [5.16] have suggested dynamic impedance scaling
and dynamic biasing techniques that will ensure that the power is dissipated only at
a level needed to process the signal at hand. They have considered impedance,
noise, and power scaling.

Consider the single OTA-based circuit of Fig. 5.15 which can be realized using
two g,,s in parallel. The result is increased supply current and increased transcon-
ductance but decreased input referred noise. Consider next, the first-order filter and
its equivalent obtained after impedance and power scaling as shown in Fig. 5.16a, b.
Thus, one can use the circuit of Fig. 5.16b to process low-level signals and switch to
the circuit of Fig. 5.16a when the input signal is higher. Even though the load
impedance of the OTA has been halved, the output linear range of the filter is not
changed since the current driving capability is doubled by the parallel combination
of the two OTA sections.

During the switching from the circuit (a) to (b), in the arrangement of Fig. 5.16b,
it can be seen that by making the proper switching arrangement, transients can be
avoided. The strategy (see Fig. 5.16c¢) is to switch off the lower circuit when the input
signal is high. When the input signal is low, first ¢ is switched on so that the second
circuit is functional and when the signal level is low, @¢ is switched on, thus
connecting both filters in parallel. In a similar way, when the signal level becomes
high, the lower one can be switched off. Note that the offset of each stage may be
different leading to a voltage jump in the output. This demands that the offsets
be cancelled before connecting the circuits.

Ozgun et al. [5.16] have extended this to many parallel paths using an alternating
divide and conquer technique. This technique needs to be applied to the first stage. A
GSM filter is considered which needs a fifth-order Chebychev 0.1-dB pass-band ripple
and 100-KHz cutoff frequency using the leap-frog ladder technique. This filter is
shown in Fig. 5.16d together with the new concepts implemented in the first stage.
Note that two gain elements are used: one after the first stage and another in the
feedback input to the first stage. This will ensure that the interferers would have been
filtered enough in the first stage and hence the signal can be amplified thereafter. The
dynamic impedance scaling in the first stage and the suitable interstage gain are
implemented as shown in Fig. 5.16f. The upper forward path has a gain of +24 or
—24 dB whereas the lower path has a gain of 0 dB. For weak and strong signals, the
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Fig. 5.15 Comparison of
input referred noise of a
single OTA and two OTA
in parallel (Adapted from
[5.16] ©IEEE 2006)

upper path is used and for medium signals, the lower path is used. Overall the first
stage has 64 OTAs and different capacitor and resistance values. The OTA used is
presented in Fig. 5.16e which is a fully balanced two-stage design. Transistors M 4,
Mg, M4, M>p, and M5 form the first stage. A replica of this stage is used in the
common mode feedback circuit comprising transistors Mg, Mg, Mg, M74, and M7p.
Note that the loads of the common mode feedback stage are diode connected. The gate
source voltage of M- sets the biasing of the loads of the input stages M54 and M.
The output stage is a common source stage formed by My, M34, M3p, and M4z with
Miller compensation using Ccy, Ccp, and transistors M, and Mcg. The common
mode signal is detected using resistors Rcyz4 and Ry g of 320 K ohms in parallel with
two capacitors 50 pF. The output common mode voltage is set at 0.4 V. The input
devices are large for reducing 1/f noise contribution of these devices.

Thyagrajan et al. [5.17] have described a class of active RC filters known as “g,,-
assisted filters.” The basic principle is similar to NIC-based compensation to
achieve a real ground at the virtual ground terminal of the integrator. In the
Thyagarajan et al. technique, currents are injected into the output terminal of the
integrator block (see Fig. 5.17a) in order to make V, zero. Analysis of the circuit
taking into account the load resistance, input capacitance, and load capacitance (see
Fig. 5.17b), we can obtain V, as

. G1 (GL +S(C + CL)) Vin _SCIassist
s2(CCL+C, CL+CC,) +5(G1 (C+CL)+GL(C+Cy)+CGora) +Gy Gy
(5.4)

Vi

Note that V can be made zero under the condition (numerator of (5.4) becoming
Zero)

CL Gy Gy
Lissie = G| 1 — | Vin+——Vi 5.5
ssist 1( + C) + sC (5.5a)
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Fig. 5.16 (a) First-order active RC filter, (b) filter of (a) after impedance and power scaling,
(¢) switching procedure for dynamic impedance scaling in a first-order RC filter, (d) fully
balanced active RC implementation of a fifth-order leap-frog Chebychev low-pass filter, (e)
fully balanced two-stage OTA design with common mode feedback, and (f) filter system block
diagram (sct means section) (Adapted from [5.16] ©IEEE 2006)
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Noting that once V, is zero, V, = —G;/(sC), we have from (5.5a),

C
Lissisi = G1<1 + FL> Vin = GLV out (SSb)

The transfer functions considering /., = Vinot — V,,ff can be derived as

S(CG[ — (C+Cx)0() —G1 (GOTA — OC)

Vo=3 (CCL+C CL+CCy)+5(G1 (C+CL)+(GL—P)(C+Cx)+CGora) +G1 (GL—P)
(5.6a)

and

y s((C+CL) Gy —aC) + G (GL—B)

T2 (CCL+C, CL+CC) +5(G1 (C+Cr)+(GL—B)(C+C) +CGora) +G1 (GL— )
(5.6b)
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It is therefore necessary to generate the two currents using g, blocks denoted as
assistant transconductors. Thyagarajan et al. [5.17] have demonstrated that the
linearity of the filters can be increased due to reduction in V.. They have also observed
that the noise contribution of the additional circuitry (assistant transconductors) is
insignificant. The reader is referred to [5.17] for more detailed analysis.
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Fig. 5.17 (a) G, -assisted Active RC section, (b) integrator using (a), (¢) OTA embedded in active
RC filter, (d) folded cascade OTA needed in (c), and (e) bias generator schematic that servos the
transconductance of the assistant (Adapted from [5.17] ©IEEE 2011)
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The opamp used is a single-stage folded cascode opamp with CMRR rejection
circuit as shown in Fig. 5.17d. The cascode connection helps to increase the output
swing capability. Note that in the biquad based on the two-integrator loop, a section
of which is shown in Fig. 5.17c, i1 and i; need to be summed at the virtual ground and
the output of the opamp needs to drive i to the next lossless integrator. Thus the
assistant produces i; + i, + i3. These assistant currents are generated by three
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OTAs with transconductance 1/R excited by Vi 1, V2 m2, and V)3 ,,,3. The opamp
uses the PMOS input stage in order to reduce the noise. M, and M5 are NMOS and
PMOS cascodes, respectively. The CMFB loop is formed by Mg — M. A resistive
common mode detector 7, is used. The CMFB circuit injects currents at the sources
of M, through Mg, and furthermore it varies the gate voltages of My, ;. The
assistant OTAs are formed by M, —M 1, M, o>M 5, M, 3—M 3, and M, —M,,,
My oMy, My 3—Mys pairs. M,—M 3, M,—M 3 operate in the triode region and
M 1—M 33, My,1, M3 Operate in the saturation region. Note that M_,;,, M 5,4 add a
current to the CMFB circuit so that Mo, Mo operate in a similar manner to that of M3
and M,. The g,, of M, tracks R by deriving V), from a control loop that servos to
make G,,, = 1/R. Note that the assistant currents are injected into the sources of M,
so that they do not have low output impedance, otherwise needed, if we inject these
into the output terminals of the opamp.

The resistor servo loop is shown in Fig. 5.17¢. It can be seen that [, —I,, = I, and
&mVeso — Vesit) = I1Rgpmq = I, — I, = I; thus making Rg,,, = 1. The transistors
M, M, are identical to M,,; and M, so that V,, generated in the bias generator
of Fig. 5.17e can be distributed to all OTAs in the filter. The drain voltages of M,
and My, are equal due to the high gain opamp A;.

5.6 G,,-C Filters for Wireless Applications

Bagbahani et al. [5.18] described a variable bandwidth band-pass filter for a fully
adaptive wireless local area network. The block diagram is presented in Fig. 5.18a.
The pass-band is selectable—625 KHz, 2.5 MHz, or 10 MHz—with a stop-band that
exceeds 100 MHz. The filter attenuates the incoming signals farther than 100 MHz
away with 50 dB attenuation. In order to have a symmetric band-pass response, the
authors use a fifth-order LP elliptic filter cascaded by a third-order Chebychev high-
pass filter. The largest pole-Q thereby reduces to 6.9 in LPF and 1.3 in HPF whereas
the LP—BP transformation type band-pass filter has a pole-Q of 7.8 for the pole pairs.
The HPF fixes the lower edge whereas the LPF fixes the upper band edge.

A g,, of a MOS differential pair may be changed by bias current. But it does not
provide high linearity and the tuning range is limited. A MOS resistor may be used for
voltage-controlled degeneration but the available triode region limits the tuning range.
For high linearity, a MOS transistor may be padded with a fixed linear resistor that limits
the range of G,, variation. In a technique called “soft switching,” a ladder of padded
MOS degeneration widens the g, tuning range while maintaining good linearity.

The g,, used is presented in Fig. 5.18b where MN3 operates in the triode region
as a voltage-controlled resistor. For greater voltage headroom, the bias current
source is removed at the expense of CMRR. The active load is a MOSFET. The
dc gain voltage of the basic g,, can be boosted by connecting a negative conduc-
tance stage implemented by a cross-coupled g,, placed in parallel with the output of
the main transconductor. The authors have used three types of conductances as



E

o] Image Reject
mmmﬂﬂ

L=
Pro-select

BPF

Load
in I
P Ny,
MN1 1'" |:IN2
Rs 2 arc T Ps
mNa JHHC mna

thp Voutn voup Voutn Voutp Voutn
T

ONegt ~ (e %o
b

c

Negative
Conductance

/4 1903
"/

out, IJVICIMFIB out,
[T 1223 '

740

Varc

HA

L 5971.5-1

Fig. 5.18 (a) Block diagram of receiver, (b) variable transconductor based on degenerated
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Fig. 5.18 (continued)



5.6 G,,-C Filters for Wireless Applications 481

o>
AAN
ir 1

Cz
0-5 mA 6 I - 6
Cz G|n3 C|

Fig. 5.18 (continued)

shown in Fig. 5.18c: (a) fixed negative resistance, (b) switchable negative resis-
tance, and (c) switchable positive resistance.

The complete g, circuit used in the low noise LPF (G, i) is shown in Fig. 5.18d
and low power g, (G, ) used in low-power LPF and HFP is shown in Fig. 5.18e.
The latter has higher noise. The G,,;, includes several stages of variable degeneration
to expand the range without giving up linearity. At any time, only one MOSFET is
on and its gain control varies from 1.6 to 3.3 V. The range of degenerated g,,, overlaps
so that a continuous sweep of 50% of g,, is realized. The LPF is based on a doubly
terminated ladder filter with inductances realized using gyrators and capacitors.
In order to optimize the noise performance, the authors suggest the scheme of
Fig. 5.18f where all the signal peaks at all nodes are detected. If the peak value
exceeds some limit, then the input gain is scaled through variable gain PGA. Noise
scaling is done next by scaling up the g,,s and filter capacitors together with a bias
current which proportionately decreases the noise spectral density. Both G,, and C
are tuned so that the noise spectral density is constant with tunable frequency.

The HPF is realized using the configuration of Fig. 5.18g by putting a LPF in the
feedback path of a 45-dB switchable gain stage. At high frequencies, there is no
feedback and hence the gain is g,,4R;. At low frequencies, the OTA g; appears as
a resistor 1/g;. When R; > 1/g;, the dc gain is smaller. Actually, the LPF is
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second-order only. The capacitor Cy creates a transmission zero so that an overall
third-order response is realized as shown in the complete circuit of Fig. 5.18h.

The CMEFB circuit is presented in Fig. 5.19a. The common mode signal is
detected by MN5-MN6 and MP3 and compared with V,.r to amplify the error
using MP3, MP4, and MN7-MN8. The CMFB output feeds all the PMOS load
transistors. Note also that each OTA need not have a CMFB loop which may cause
instability since in many places, outputs of G,,s are connected. Hence, all active
nodes connecting to an output node are merged and driven by CMFB signal.

The chip contains frequency and Q tuning loops. The V ogrc biases the gates of
the active degeneration FETs in the G,, block (see Fig. 5.19b) and sets the
transconductance. The digital word from 5-bit U/D counter sets the PCA. The
PLL is conventional with a phase frequency detector, charge pump, and a series
RC filter for compensation. Note that V,rc will increase until the upper limit,
assuming that fy g is initially much less than the frequency output of the divider f,,.
Then, the comparator trips and the logic decrements the PCA. The ALC (automatic
level control) loop (see Fig. 5.19c) controls the oscillation amplitude by changing
the negative resistance in the OTA.

Lo et al. [5.19] have described a G,,-C filter with a wide tuning range for a
multimode direct conversion wireless receiver. The tuning encompasses Bluetooth
(650 KHz), CDMA 2000 (700 KHz), wide-band CDMA (2.2 MHz), IEEE 802.11a/g
(10 MHz), IEEE 802.11b (12 MHz), and IEEE 802.1n (20 MHz) wireless LAN
applications. These specifications cover the range 650 KHz—20 MHz. A tuning ratio
of G,, of 30 is required. However, taking into account all the tolerances and
temperature variations, a tuning range of 50 is required. A high linearity trans-
conductor with a wide transconductance range shown in Fig. 5.20a has been
employed. In this, the linear V-I conversion is performed first using resistors R,
and R, and then the transconductance is varied using the translinear loop formed
by the current multiplier composed of transistors M1-M4, resistors R, and R; and
the current source /,,,. Transistors M1 and M4 are biased in the weak inversion

k3 4lune

Vem
where k = uC,, % and V,,, is the common mode voltage, V7 is the thermal voltage.
It can be seen that the transconductance can be adjusted using the current /.
The complete transconductor is presented in Fig. 5.20b showing the CMFB circuit
composed of transistors MF1-MF8. The feedback loop forces the output common
mode voltage to the desired value. The block diagram of the third-order
Butterworth filter is presented in Fig. 5.20c consisting of seven identical
transconductors. The transconductance is programmable and has a nominal value
of 50uS. Automatic tuning of frequency is not incorporated.

Saari et al. [5.20] have described a CT low-pass filter with variable gain in 65 nm
CMOS for an UWB radio receiver. This used 1.2 V supply voltage which necessitated
the use of a pseudo differential G,,-C technique in order to achieve a large bandwidth as
well. The fifth-order filter architecture is shown in Fig. 5.21a which comprises a front-
end first-order filter realized by R, and C; fed with input current. This is followed by a
fourth-order low-pass filter based on a leap-frog ladder. The finite output resistance of
the various G,,s has been taken into account for synthesizing the L and C values of the

region. It can be shown that the transconductance is given as G, s0r = nV7



5.6 Gp,-C Filters for Wireless Applications 483

a _ Error Amplifier G,
MP3 MP4 o T] ET[_ i
che\ e
Oulp houin VR“ : { Cp L Cn :
MNS | ! MN7S
: i | Shuihichal |
S VL —— } |
e e m— ————————————————— ——— J
b Midrange
(26V)
c, %3 Cy
Master VCO
* Qoom
) P o YTt
Detector =l LPF i )
Tfu To slave filter

c vod vdd
oscp—| oscn | 185V
~ -
ki
Vievrar - I
Bottom-
= Plate Cap

OSCP. 0SCN [ Master [ negative o
— Osc | resistance

Fig. 5.19 (a) CMFB amplifier, (b) automatic frequency control loop, and (c) automatic level
control loop (Adapted from [5.18] ©IEEE 2000)



484 5 Practical Designs of VLSI Analog Filters

R2a S R2b

Vo-

o A

I iy

Ria Rib
ltune lnmo
- - " T @ND
b

Yo CHFB cicuit

ol it | u
Ly 1';L‘ D e e
s o iRy
w] [l 0
li:JIJ _“:lm E
ll*lshill Im-i: = '=Hn tm
il | T
region egion

Vout

Fig. 5.20 (a) Wide tuning range transconductor conceptual diagram, (b) complete implementa-
tion of (a), and (c) third-order Butterworth filter (Adapted from [5.19] © IEEE 2009)



5.6 Gp,-C Filters for Wireless Applications 485

a HT;_ = IDAC ax
1 Z Gm1¥cz Gm2
in{ 71 C1 |~a I~
o R i
! y iy -
HT:: c1 caf c3

.
b

___________ N " mea”T T 18 B we 1A BA we O %
viu RS L2 R2 v3 L4 R4 vs

A A A .

' JR1 e 2 i el Thg
- . :' V1 > 2> ‘-:
o == G3 = = =

:

1

1

" c3| 3 cs [as
Real pole " 4th-order complex pole filter

VDD F crr

l-;:iﬂ :NF'

|
el . VBE o " eemeeee e
\H_‘_‘______““'-v"""— i __ VS8 — i
S ‘r f'f _-_HH\\/'—F.,_’
T ' ¢ P
TRwe Gm2 | !;’ L
it 1l P
::-3'-.- \\:"l 4 - = = OUTP
Gy — : i — & = = —QUTN
t L qems |
| =
.

Fig. 5.21 (a) Fifth-order pseudo differential G,,-C low-pass filter, (b) prototype LC ladder filter
with extracted real pole, (c) single-ended G,,-C filter with scaling factors &;, (d) transconductors
with CMFF and CMFB circuit, (e) gain control slice from the input transconductor G,,;, (f) bias
circuit for error compensation, and (g) 5-bit switched capacitor matrix (Adapted from [5.20]
©IEEE 2009)



486 5 Practical Designs of VLSI Analog Filters

e ‘A sw2  sws G\nﬂ_N
W A
Input|  swi Newm 35 Filter
N -
b [P
; I..H[H)umrny
—f:? g™ 1 it 9
’ E Vem 30 ! +:
A e & %
f -3
HzILJI {LIUZ'* H:'
Vaias |

o
[l o

Lo} o—[ Swi  Swd j|—° o Fixed capacitors

3 J—

Fig. 5.21 (continued)

filter. The nonideal filter is as shown in Fig. 5.21b, ¢ showing various parasitic losses.
Note that all the integrators have a fixed gain of 26 dB. The pseudo differential OTA is
presented in Fig. 5.21d. This has both input common mode feedforward and feedback
compensation. This uses NMOS input transistors to reduce the parasitic capacitance at
the input terminals. It employs PMOS current source loads. Grounded negative
resistance has been connected at the output of each g, so as to enhance the dc gain
to the desired 26 dB in the presence of process variations. The transistors M;;—M 4
realize the negative resistance. The tuning of these is accomplished by varying the
gate-source voltage of the degeneration transistors M3 and M 4.
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In order to achieve high-input CMRR, a transconductor formed by M5 and M,
replicates the input transconductor formed by M and M, and subtracts current from
that of the input transconductor formed by M, and M,. The output CMFB injects
current through the transistor Mg to the input transconductor. The output CMFB
employs the transistors M;—M;, by again using replica-based error detection.
The transistor M5 is provided the common mode reference voltage. There can be
mismatch in the PMOS current mirrors in the transconductor that can be taken care
of by the circuit (see Fig. 5.21f) which generates the replica of the current mirror
error and subtracts it from the transconductor output currents. The transconductors
Mo, M5, M5,, and M»; are copies of the transconductors in the transconductor
core. The generated Vggror is fed to the transistor M to obtain the correct current.
The filter gain is controlled from 9 to 43 dB in 1 dB steps by using five 6-dB gain
steps and five 1-dB gain steps. The transconductor G,,; (see Fig. 5.21a) includes the
6-dB gain steps whereas the 1-dB gain steps are implemented in the output buffer.
The 6-dB gain steps are realized by using six binary weighted transconductors
which can be appropriately switched. In order to keep the frequency of the pole the
same, dummy G,,s are switched with the input disconnected (see Fig. 5.21e). In
addition, the corner frequencies of the passive pole and fourth-order filter are
tunable using capacitor arrays in place of each grounded filter capacitor. Five-bit
tuning is possible for these binary weighted capacitor arrays (see Fig. 5.21g).

Oskooei et al. [5.21] have described a CMOS continuously tunable channel
select filter for WLAN and WiMax receivers. This covers the frequency range
8.4, 11, and 11.2 MHZ for 802.11a, 802.11b/g (WLAN), and 802.16 (WiMax).
As the supply voltage shrinks and the threshold voltage is not reduced at the same
rate, the tuning range of MOSFET-C filters is lowered. G,,-C filters suffer from
low linearity but they offer high cutoff frequencies and continuous tunability. UGB
and cutoff frequency are the same in G,,-C low-pass filters and hence they consume
less power than active RC or MOSFET-C filters. Hence, the authors have used
the well-known two-integrator loop-based OTA-C biquad of Fig. 5.22a. They have
used NMOS transistors to serve as the various G,,s due to which the parasitic poles
occur only at very high frequencies where nonquasi-static behavior is significant.
Power consumption also can be minimized. The complete circuit of the biquad is
shown in Fig. 5.22b. Note that M, and M, realize G,,; whereas M5 and M, realize
G ,.4. Both convert voltages into currents and pump into BPN and BPP nodes. The
negative sign of G, is realized by cross-connecting the differential input signals.
The transistors M5 and Mg are in common-gate configuration and present a resis-
tance of 1/G,,5s and 1/G,,,¢ at BPN and BPP nodes analogous to G,,, in the circuit of
Fig. 5.22a. They also drain the currents G,,5Vgpn and G,V ppp from the BPN and
BPP nodes and buffer those to the output nodes performing the function of G,,3 in
Fig. 5.22a. Thus, one transconductor is eliminated thereby saving power. Evidently
G,.» = G,;3 because of both of these are being realized by M5 and Mg. The source
followers M5 and M ¢ shift the dc level of OP and ON voltages. The devices M5,
My,, M43, and M, implement the output common mode feedback loop. It can be
shown that the pole-frequency, pole-Q, and gain are approximately given as
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where G, = G,,4. Due to sharing of the CMFB loop among all OTAs, considerable
area and power can be saved.
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Oskooeoi et al. [5.21] suggested a modification as shown in Fig. 5.22c¢ that will
help to improve the linearity. This is achieved in principle by bringing the differen-
tial pairs into the feedback loop. Note that the difference between Fig. 5.22b, c is in
the connection of the input and feedback differential pairs. The common mode
feedback circuit used in the configuration of Fig. 5.22¢ is shown in Fig. 5.22d. The
input voltage swings of both differential pairs is smaller than that in the circuit of
Fig. 5.22b. Note also that the resistors R provide additional degeneration so as to
improve the linearity at high frequencies.

The cutoff frequency can be tuned coarsely by using programmable capacitors
for Cy and C, as shown in Fig. 5.22¢. Note that to conserve area, the capacitors C,
are connected in a differential mode. The fine tuning is carried out by the bias
circuit shown in Fig. 5.2 which is used to change the transconductances G,,r and
G 5,6 by equal factors. This is achieved by changing the bias current /..

D’Amico et al. [5.22] have suggested the use of source follower-based biquads
for WLAN application. Such a biquad is shown in Fig. 5.23a. Note that the devices
M, and M35 provide positive feedback thus realizing complex poles. The small
signal equivalent half circuit is shown in Fig. 5.23b from which the approximate
transfer function can be obtained as

1
T2 OGO

m

H(s)

(5.8)

m

considering the output conductances of the transistors are negligible compared to
G,,;s and choosing G,,;; = G, = G,3 = G4 = G,,. Thus a biquad with Q depen-
dent on the ratio of capacitors can be realized. In order to meet the low power
supply requirement, a folded version of the circuit of Fig. 5.23a is also used as
shown in Fig. 5.23c which has increased power consumption due to additional
current branches. A fourth-order Bessel filter based on the biquad of Fig. 5.23c is
shown in Fig. 5.23d. The first and second cells are made up of PMOS and NMOS
devices so that the input common mode voltage difference can be compensated.

Chamla et al. [5.23] have described a third-/fifth-order G,,-C band-pass filter
with tunability for GSM as well as W-CDMA applications. The bandwidth for
GSM application is about 115 KHz whereas for W-CDMA it is 2 MHz. A third-
order and fifth-order low-pass filter will suffice for these applications. The authors
use the topology of Fig. 5.24a based on gyrators that can share the same hardware so
that the area can be minimized. The Butterworth implementation of a fifth-order
filter needs capacitors of values 0.618, 1.618, 2, 1.618, and 0.618 whereas the third-
order filter needs 1, 2, and 1. Hence by augmenting the third-order Butterworth filter
values, the fifth-order filter can be realized. The wide ratio between bandwidths
needed for GSM and W-CDMA applications of 25 requires the tunability of G,
over such a wide range. The authors use a MOS transistor in the triode region of
operation for realizing the transconductor.

The basic transconductor principle is illustrated in Fig. 5.24b. The transcon-
ductance is realized by M, and its G,, is directly proportional to Vpg:
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Fig. 5.23 (a) Biquadratic cell based on source followers, (b) half small signal equivalent circuit
for the differential mode, (c¢) folded version of (a), and (d) fourth-order filter schematic (Adapted
from [5.22] ©IEEE 2006)
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Thus, tuning Vpg necessitates Vpg going down to zero. M, acts as a cascode
transistor that reduces the swing at V4. The device M, acts as source follower and
M3s provide voltage gain. The control voltage is fed to My;,. Assuming matching of
all pairs of transistors, M5, and M5, M, and My, it can be observed that V, = V.

The authors propose a master—slave tuning technique illustrated in Fig. 5.24c
based on a transconductance division scheme. This uses two transconductors G,,;
and G,,» one of which (G,,;) is matched to the transconductance in the VCO and
another (G,,») is matched to those in the G,,-C filter. A divider produces a voltage
V,/N from the input voltage V,. A feedback loop makes G,,,V, = G,,V2/N so that
G,11/Gp = N. Thus division by N is achieved by using a MDAC. Note that the G,
variation as a function of input level as well as the offsets of both paths affects the
accuracy of the tuning loop. The authors have used al0-bit MDAC. Thus for a
maximum input of 500 mV, the offset needs to be less than a few mV. This is
achieved by using large input transistors M3, and M3,. The VCO structure is based
on the two-integrator loop as shown in Fig. 5.24d. The negative and positive
resistances control the oscillation amplitude by compensating the finite output
resistance of the OTAs. The VCO frequency used was 2.5 MHz.

D’Amico et al. [5.24] have proposed an active G,,-RC approach that exploits the
opamp pole in the transfer function realization for dual mode base-band filter for
WLAN (11 MHz) and UMTS (2.11 MHz) applications. This is based on a cascade of
two second-order cells. The filter shares the capacitors and opamps in both modes
thus saving area while maintaining the same linearity and low noise. A calibration
circuit is employed to adjust the cutoff frequency deviation. The architecture of
the cell (Fig. 2.26f) is redrawn for convenience together with the internal structure
of the opamp and showing all the parasitics in Fig. 5.25a. Note than an adjusting

circuit is required to set Gy so that the filter parameters are dependent on

|
T kg Ry
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Fig. 5.25 (a) Active Gm-RC biquadratic cell with internal parasitics, (b) fourth-order
reconfigurable filter structure based on (a), (¢) opamp schematic, (d) schematic of adjusting
circuit, and (e) calibration circuit (Adapted from [5.24] ©IEEE 2006)
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Fig. 5.25 (continued)

resistors Ry, R, rather than on G,,;. The transfer function of the low-pass filter can be
derived as

1
Vo <k R} C cc)
= e (5.10)
CiRiRy) " ky Ci Cc Ry Ry

The f,/f; p for this design is lower than 2 meaning that the opamp bandwidth need
not be very high. This reduces the power consumption. The RC network filters the
high level of out of band blockers. A tuning system is used to tune the opamp
frequency response. The complete filter architecture is presented in Fig. 5.25b. Note
that the filter can be reconfigured using the single selection bit “SS”. The opamp
implementation is presented in Fig. 5.25c. The transistors M and M, form the input
differential pair realizing G,,; and transistors M5 and Mg realize G,,,. The CMFB
circuit is implemented using another differential amplifier as shown in Fig. 5.25c.
A Miller compensation scheme using R, and C. is employed. The size of the input
devices, current levels, R. and C,, are controlled by the standard selection bit in
order to reduce the power consumption in the UMTS case. The adjusting circuit is
shown in Fig. 5.25d. It correlates the transconductance variation of the input
transistors G,,; with the variations in external resistances around the opamp.
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It forces G, to be proportional to 1/Rggr by regulating the current of the input
stage. The matching between M,,;, M, and M, is guaranteed. The resistance Rgrgr is
matched with the resistances in the filter. Note that M, M, operate with same
current density as M,,;. Thus the transconductance of M; and M, is proportional to
1/Rggr. In addition, the process-related variations of R and C values may necessi-
tate tuning which is carried out by using programmable capacitor arrays whose
value is set by an on-chip calibration circuit shown in Fig. 5.25e. It is based on a
comparison between an isolated time constant RC and a precise external clock
period. A 4-bit code is used to be fed to all the PCAs. After calibration is performed,
this circuit can be switched off to conserve power.

Matteirs et al. [5.25] have described a fourth-order analog base-band filter for
telecomm applications (see Fig. 5.26b) that can operate with a 0.55 V dc voltage
supply. This filter, denoted as an active-G,,-RC filter, is based on the amplifier finite
pole. A second-order section uses minimum components: one opamp, one capacitor,
and two resistors. At low supply voltages, the large overdrive needed for an open loop-
type G,-C filter is a disadvantage that limits the dynamic range. The relationship
between supply voltage, MOS threshold voltage, and minimum channel length is
shown in Fig. 5.26a. Hence, closed loop circuits have been recommended. The chosen
active G,,-RC configuration of Fig. 5.25a exhibits good linearity and low noise.

The input common mode feedback technique shown in Fig. 5.26¢ is suggested to
reduce the input common mode voltage to slightly less than V,p/2. This uses two
current sources formed by Mp; and Mp,. These force the virtual ground terminal
voltage V,,, 4. to a value lower than Vpp/2 while maintaining V; 4. = V, 4. = Vpp/2:

Vbp Ri R,

— 1 — 5.11
> 'Rt R (5.11)

V()a,d(‘ =

The authors use a Miller compensated 2-stage opamp as shown in Fig. 5.26d. The
output CMFB loop is also shown in Fig. 5.26d which uses a PMOS differential pair.
The common mode voltage is sensed by resistors R,.,, and R,; that can be chosen large.

The input common mode voltage can be sensed at the source of the PMOS
opamp input pair (by the V;cnrr, node). The complete filter schematic is presented
in Fig. 5.26e.

D’Amico et al. [5.26] described a multistandard base-band chain for Bluetooth,
UMTS, and WLAN. The overall architecture of this system is presented in
Fig. 5.27a. Since the cellular application is most stringent, the specifications of
the reconfigurable baseband chain are summarized in Table 5.3. The design is
tailored to meet cellular specification thus implying overdesign for Bluetooth and
WLAN applications. The bandwidths of Bluetooth, UMTS, and WLAN are 1, 2,
and 10 MHz, respectively. The RF sections use different power supply voltages
(1.2 Vand 2.5 V). A LPF selects the needed bandwidth and has a fixed gain of 4 dB,
a restriction imposed by the tunability of the cutoff frequency. The two PGAs
determine the gain in coarse and fine steps. The PGA is presented in Fig. 5.27b
which uses a differential amplifier stage with resistor degeneration and is
resistively loaded. For small input signals, Rs is minimum and R; is maximum,
thereby reducing the input referred noise. For large input signals, R; is maximized
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thereby decreasing the bandwidth decided by R; and C;. This will help to suppress
the out-of-band tones. The input stage guarantees large in-band linearity.
Transistors M; and M,, opamps, and resistors R form a V-I converter. M3 and
M, form a level shifter. The input voltage is copied on the series impedance of
transconductances G, (of M) and G,,, (of M,) and resistors Rs. The linearity of
G,, is improved by the large closed loop gain. The opamps in Fig. 5.27b are realized
using the simple differential amplifier of Fig. 5.27c. Three bits are used to control
the gain (two for R; and one for R) (see Fig. 5.27d). The transistors Mg, M, and
M, act as switches and do not add parasitic capacitance to the drain and source
nodes of M and M,. They are linear due to the reduced swing across them.

The LPF is based on two cascaded active G,,-RC cells described earlier (see
Fig. 5.25a). The PGA2 configuration is shown in Fig. 5.27e. It uses resistors R; and R,
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Table 5.3 Reconfigurable baseband chain main requirements (Adapted from

[5.26]©IEEE2008)

Bluetooth UMTS WLAN
IRN (nV/JHz) 5
DC-gain range (dB) —6 + 68
Bandwidth (MHz) 1 2 10
In=IIP3(dBm on 50Q2) 22

which are programmable. The signal current does not flow through the switches thus
avoiding the linearity and frequency response accuracy degradation. The two stages
have gains programmable between (10—17.5 dB) and (0—17.5 dB) with a 2.5-dB step.

Chamla et al. [5.27] have described a third-order G,,-C Butterworth filter with a
very wide tuning range from 50 KHz to 2.2 MHz to cover all the communication
standards needed in practice. The commonly used specifications for the single-mode
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Table 5.4 Analog baseband filters commonly used specifications in single-mode zero-IF receivers
(Adapted from [5.27]©IEEE2005)

Parameter GSM Spec. Bluetooth Spec. CDMA2000 Spec. W-CDMA Spec.
Power consumption 3.5 mW 10 mW 7 mW 10 mW

Filter type 3th-order 3/4th-order 3/5th-order 3/5th-order
Cutoff frequency fc=115KHz fc=650KHz fc =700 KHz fc =2.2 MHz
1IP3 +10dBVp +18dBVp +15dBVp +0dBVp

11P2 +35dBVp N/C N/C +35dBVp
Output DC offset <10 mV <15 mV <15 mV <20 mV

Output noise density  4005V/VH 225uVINH, 200uV/VH, 3505VINH,

IQ mismatch (phase) <1° N/C <2° N/C

1Q mismatch (gain) <0.3 dB <0.5dB <0.5dB <0.5dB

zero-IF receivers for these standards are presented in Table 5.4. The architecture is
shown in Fig. 5.28a where the two parallel filters based on simulation of LC ladders
are used as shown. They share the same grounded capacitors. The G, values in the
lower and upper filters are ratioed a:1. Hence by using the mode select control bit,
B can be switched off. Defining ¥ ; = Gyax/Gmin and choosing the lower filter
attainable highest frequency the same as the lower attainable frequency of the
top filter, the cutoff frequency of the complete filter can change from G,,/(2nCy)
to G, x 32/27C) or Jfinaxfmin = XZ. Thus the OTA needs to have a spread of 6 if the
desired f,,,.x/fimin 1S about 30.

The transconductance used by Chamla et al. [5.27] is presented in Fig. 5.28b.
Bipolar transistors have higher G,, than MOS transistors for the same bias current
and hence have been chosen for the cascode transistors. The transistors Q and O,
fix the drain voltages of M; and M, so that G,, is independent of Vg:

w
Gn= /’lcux Z Vps (5.12)

in the triode region of operation. The battery is realized using diode-connected
transistor Q3 in series with resistor R,,,.. The CMFB loop is shown in Fig. 5.28c
which uses folding allowing increase of Vg upto 500 mV. M3 and M, are also
working in the triode region. The transconductor can be switched off by grounding
node B and turning off the PMOS current sources.

Guthrie et al. [5.28] have described a low-IF filter for a dual mode Zigbee/
Bluetooth application. They describe a complex filter using the OTA-C technique
shown in Fig. 5.29b which is derived from the RLC ladder filter of Fig. 5.29a. The top
and bottom blocks realize low-pass filters and the coupling through the gyrators
realizes the complex filter. Effectively, the coupling through the gyrator performs
the transformation s — (s—jw,) leading to the shifting of the low-pass response of the
prototype to a frequency w,. Thus real integrators will become complex integrators:

1 1
ror (5.13)
5T (s—jw,)t
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Fig. 5.28 (a) Multiple g,
reconfigurable low-pass filter
structure, (b) schematic of
transconductor cell and Vpg
control, and (¢) CMFB used
for (b) (Adapted from [5.27]
©IEEE 2005)
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The design uses common sets of transconductors for Bluetooth and Zigbee
application whereas the capacitor values are switched. The authors use balanced trans-
conductors based on the Nauta class AB transconductor [5.29] shown in Fig. 5.29c.
A balanced version of Fig. 5.29c is shown in Fig. 5.29d. By biasing the input at midrail
voltage, the drain currents due to an input voltage V;, can be seen to be

Vi G\ Vin G
I, =71 dr,=J(1- 5.14
J< + 4J> and /, J( 4J> ( )

where J is the drain current with V;,, = 0. Thus, I, = I,, - I,, = -GV, showing that
the transconductor is linear. It is important to note that the circuit is affected by the
power supply voltage V,,, and power supply noise feedthrough.

The balanced gyrator loop is affected by the parasitic capacitance between the
input and output terminals of the transconductor that are not reciprocal (Coq # Cg,)
(see Fig. 5.29¢). This leads to undesirable peaking in the frequency response which
can be solved by using the modified transconductor of Fig. 5.29f. A PMOS capaci-
tor is connected between the output of the transconductor and output of the buffer
following the transconductor. The postamplifier and preamplifier are shown in
Fig. 5.29g. The preamplifier has common mode feedback through R, and R,
which produces an effective feedback resistance of R{R,/(R, — R;). The capacitors
block the dc input arriving from the mixer stage.

The frequency tuning loop is shown in Fig. 5.29h which uses a switched
capacitor C, an integrator, a reference transconductor —G, an inverter, and a charge
pump. The diode-connected transconductor —G,, generates a quiescent voltage that
is offset from that of the reference transconductor. Note that when the SC is set to
G/F ., the loop stabilizes. The feedback loop adjusts the V4, of the reference
transconductor which is buffered through Sy, and Sy to provide V,,, for the
complete filter. Note that R, and C, act as a filter to make V4, ripple-free. The
charge pump Qp,,p [5.30] is shown in Fig. 5.29i.

Alzaher and Alghamdi [5.31] have described a CMOS band-pass filter for low-IF
Bluetooth receivers based on the MOSFET-C technique. This uses current-followers
(CF) and voltage buffers (VB). A CMOS CF is presented in Fig. 5.30a. The transistors
Moy, Mg force equal current through M; and M, and hence the source of M; is at
ground potential since the gate voltages of M; and M, are equal. The current into the x
terminal is copied by Mg and Mg to the z output terminal. The level shifters M5 and M,
are used to adjust the standby current. The devices M1, and M, provide biasing. The
input impedance at the x terminal is reduced by feedback. M3 and M, provide dc level
shift to adjust the standby current. The VB circuit is presented in Fig. 5.30b. The
voltage tracking is achieved by forcing same current through M, and M,. Class AB
negative feedback reduces the output resistance of this buffer stage.

The design of the filter uses MOSFET as a resistor. It is known that nonlinearity
can be cancelled using the arrangement of Fig. 5.30c:

I =1, = 2k(Vi = V3) (V4 — V) (5.15)
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Fig. 5.30 (a) CMOS realization of a current follower, (b) CMOS realization of a voltage buffer,
(¢) nonlinearity cancellation of MOSFET using general method, (d) nonlinearity cancellation of
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fully differential version of (e), (h) biquad with MOSFET nonlinearity cancellation, (i) optimized
version of (g), and (j) automatic frequency tuning circuit (Adapted from [5.31] ©IEEE 2006)
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wherek = 211% % Thus, a negative conductance can be attained by choosing V4, = 0.

Using V4 and Vi, the resistor can be tuned. A virtual ground can be created to facilitate
subtraction using the circuit of Fig. 5.30d while achieving nonlinearity cancellation.

A fully differential unity cell (UC) is realized as a cascade of CF and VB as
shown in Fig. 5.30e. (Note that this is equivalent to a CFOA with y input grounded).
The circuit of Fig. 5.30e has a CMFB loop. The RC network (Rcy, Ccpr) generates
the common mode voltage and compares it with Vcy and controls the currents
through MC53 and MCs and the voltages Z, and Z,,.

The MOSFET-C biquad based on a two-integrator loop and using the UC is
presented in Fig. 5.30f, g in single-ended and fully differential versions. Here, each
CF and VB has its own CMFB loop. Note that even-order nonlinearity terms are
removed due to the fully differential configuration. In the architecture shown in
Fig. 5.30h odd-order nonlinearity cancellation can be achieved using the concept of
Fig. 5.30d. Note that current summation can be done at the x terminal of the CF so as
to reduce the number of CFs. A simplified version of Fig. 5.30h is presented in
Fig. 5.30i with a reduced number of CFs, but some with dual outputs. The authors
have shown that the ITP3 is improved by 6 dB for the realization of Fig. 5.30h and the
power dissipation is more. On the other hand, the realization of Fig. 5.30i reduces
the power consumption, area, and noise and improves the linearity. Note that two
CMEFB loops are needed: one each for integrator. Among the various alternatives
possible shown in Fig. 5.30j, the topology (i) saves power. The topology (iii) gives
good CMRR but has higher noise.

The authors have used an automatic tuning circuit shown in Fig. 5.30k that uses a
frequency control loop with SC and continuous path. The loop settles when the
resistance of the SC equals the MOSFET-C equivalent resistance.

Emira and Sanchez-Sinencio [5.32] have described a complex twelfth-order
filter for Bluetooth application. The IF chosen was 2 MHz and the bandwidth
of the filter is 1,060 KHz. The complex filter shifts the low-pass filter response
to jorr as can be seen from the mapping s + o, r — s + @y — joyr. Thus the
input—output relation of a first-order complex filter can be written as
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o=— 2 (5.16a)
S+ wrr —] OfF

where x, and x; are x. = x.; + jX.o and x; = x;; + jx;p. Thus, we have

(20 W[
o = i — ¢ 5.16b
el S+ wrr <XI C()UxQ) ( )
(% Wir
0 =——— | xXip — ” 5.16¢
XeQ s+wLp<xQ w0x1> ( )

The architecture of a first-order filter can thus be drawn as in Fig. 5.31a.
An actual building block implementation is shown in Fig. 5.31b. An active RC
implementation is presented in Fig. 5.31c. A OTA-C complex first-order filter is
shown in Fig. 5.31d. Essentially, two paths will exist comprising a low-pass filter
and the cross-connection of OTAs realizes the complex filter.

The authors have used pseudo differential OT As shown in Fig. 5.32a. These need CM
feedback loops or CM feedforward loops (CMFF) as shown in Fig. 5.32b, c. Note that
CMEFB is needed in the case where the output impedance of the OTA is high to bring the
Ve output impedance low. On the other hand, if the output impedance is small, then
CMFF will suffice. The common mode detector (CMD) is shown in Fig. 5.32d, which is
inverting so that its output can be connected to V, of the OTA. In the case of CMFF, the
noninverting control output are needed and can be derived as shown in Fig. 5.32d.

The conceptual complex biquad and complete circuit used in the I branch are
shown in Fig. 5.33a and b. It can be seen that OTA1-OTA4 realize the biquad. The
OTAs 5 and OTA 6 perform the linear frequency transformation. The OTA 1 has high
output impedance and hence CMFB is used whereas OTA 2 is loaded by the resistance
realized by OTA3 and hence CMFF is used. OTA3 does not need CMFF or CMFB and
hence its bias voltage is connected to a fixed voltage. OTA4-OTAG6 also use CMFF.

The frequency tuning is accomplished using the tuning circuit shown in
Fig. 5.33c. A relaxation oscillator based on the OTA-C technique with
transconductors of the same type used in the main complex filter is used. Its
frequency is compared with a reference frequency (1 MHz). After reset, both
counters start counting and once the reference counter reaches 64, the Up/Down
counter counts or freezes depending on the difference between counts of the
oscillator counter and reference counter. The contents of the U/D counter is fed to
the DAC to generate a control voltage V;. When the reference counter reaches 128, a
new comparison cycle starts, this time with the updated oscillator frequency. For a
+30% process variation and a 7-bit DAC, the maximum frequency error is +0.23%
which leads to a 4.6 KHz error in the center frequency. The 7-bit DAC uses a resistor
string. The relaxation oscillator is presented in Fig. 5.33d. It consists of OTA G,, and
a current switch (M; — M), an integrating capacitor Cr, and a comparator and two
switches. The CM input level V.. is changed to control the G,,,. By applying a constant
differential voltage AV to the OTA, the single-ended output current can be found as

kW
L

8m (Ve =Vm)AV (5.17)
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which is mirrored to charge the capacitor C7. The polarity is controlled by the differen-
tial pair. The slope of the triangular waveform across Cris G,,4V. The capacitor voltage
is compared with V; and V3, depending on the comparator output. The comparator
output controls the differential pair transistors as well as the threshold voltage of
the comparator. The frequency of oscillation is f,,. = i %’; AA—“/; where AVp =
V1 — Vpo. Note that Vg, and Vi, are obtained from the resistor string of the DAC.
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5.7 Gp-C Filters for Optical Receivers

A 11.1 Gbps analog PRML (partial response maximum likelihood) receiver for
electronic dispersion compensation of fiber-optic communications has been
described by Elahmadi et al. [5.33]. The architecture of this IC is shown in
Fig. 5.34a where a programmable continuous-time filter and a programmable FIR
filter are used to implement the PR (partial response) equalization. The output of the
FIR block is fed to a MLSE detector for data recovery. Precise clock and symbol
timing are provided by the decision-directed clock recovery (CR) block. The block
diagram is further elaborated in Fig. 5.34b. The optical signal affected by dispersion
is converted to the electrical domain by the transimpedance amplifier and fed to a
variable gain amplifier for amplitude normalization and enters the CTF. A five-tap
discrete time FIR filter provides further equalization. The output is sampled in a
time-interleaved fashion by splitting into two data streams A and B. The technology
used was SiGe BiCMOS BBT with a f; of 150 GHz. The Viterbi decoder contains
the ACS (add, compare, and select) function and a survival sequence register (SSR).
A multiplexer reassembles the error-corrected streams into a single stream. The CR
block provides the necessary timing for FIR, ACS, and SSR as well as synchroni-
zation of other on-chip functions.

The AGC loop involving VGA, peak detector (PD1), and an AGC logic block
facilitate coarse tuning of the CTF output signal swing. When the CR enters the
phase-locked mode, the AGC control logic switches to the fine loop through
the phase detector PD2 maintaining the output of the FIR filter equal to REF2.
The VGA gain in the loop is controlled by the 7-bit ADC. An automatic offset
correction feature is also available for cancelling out the offset introduced in the
VGA and CTF.

A fourth-order G,,-C low-pass Bessel CTF is used consisting of two biquads and
input V-I converter and an output I-V converter (see Fig. 5.34c). The cutoff
frequency can be tuned from 1.5 to 3.5 GHz with a 4-bit granularity through a
digital serial interface. The need for working at high frequencies with low power
limits the architecture of OTA to the simplest differential pair using bipolar
transistors as shown in Fig. 5.34d. A cross-connected differential pair ratioed at
1:5 has been used to obtain adequate linearity instead of using a resistor for
increasing the dynamic range of the differential pair. The design takes note of the
fact that although resistances may vary over process corners by more than 25%, g,,
can be set virtually independent of PVT variation.

Temperature dependence of G,, can be decreased using the PTAT (proportional
to absolute temperature) bias current. The circuit for PTAT reference producing
currents proportional to both 1/R;,, and 1/R,,, is shown in Fig. 5.34e. A constant bias
voltage over temperature needs a bandgap current reference proportional to 1/R;,;.
This is because of the reason that bias voltages are generated by setting up
the currents through internal resistors. The bandgap current reference is shown
in Fig. 5.34f.
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Kilsunezuke et al. [5.34] have described a reconfigurable fourth-order LPF for
software radio front-end applications. The block diagram of the analog base-band
as shown in Fig. 5.35a comprises a programmable gain amplifier (PGA1) for coarse
gain tuning followed by a fourth-order LPF. This is followed by another PGA?2 for
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fine gain tuning. The two cascaded second-order low-pass filters (see Fig. 5.35¢)
use discrete-time control of G,, values by switching off the G,, and switching on
using variable duty cycle pulses as shown in Fig. 5.35b. The realized G,, is given by

b "
E T Time
c
Duty-cycle controlled DT fransconductors
& :"’} g 1 |
"‘Ez Gmy
—it

Fig. 5.35 (a) Block diagram of the analog baseband, (b) duty cycle controlled discrete-time
transconductor, (d) antialiasing filter (passive filter +4-tap FIR filter), and (e) voltage input current
output 4-tap FIR filter (Adapted from [5.34] ©IEEE 2009)
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Guer = Gu(Ton/Tcrock)- The G,-C filters are based on the two-integrator loop
and realize a transfer function

=)

2<g_2) n Em18m2

_ CiCy
T(s) = R T o (5.18)
Cy CiCy

A basic inverter is used as the G,, followed by two switches. The waveforms at
various terminals are also shown in Fig. 5.35b. In Phase ¢, the inverter output
current flows to the load, whereas in Phase ¢, , it flows to the ground. The advantage
of such a design is that all OTAs can be the same size and use the same bias voltages
realizing the same nominal value of G,,. Thus assuming that G,,,/C is precisely tuned,



520 5 Practical Designs of VLSI Analog Filters

the design achieves a high tolerance to process fluctuations. An antialiasing filter is
required due to the discrete time nature of the filter. This is realized by a second-
order passive RC filter followed by a G,,-C-based DT FIR filter (see Fig. 5.35d).
The FIR filter (see Fig. 5.35¢) realizes a transfer function given by

14z 42724573

Gumrir (z) = )

G, et (5.19)

The variable duty cycle pulse generator comprises a 32-phase clock generator, a
narrow pulse generator, a pulse decimator, and a switching matrix to generate the
desired width pulses to control all the G,,s. The clock frequency used for the filter
was 256 MHz derived from a master clock of 2 GHz. The chip has used a 90 nm
CMOS process.

A low IF/zero IF configurable analog base-band IC has been described by
Kitsunezuka et al. [5.35]. The software radio architecture and the analog base
band are presented in Fig. 5.36a, b. The signal from the antenna is preamplified by
a LNA and down-converted directly to IF by the quadrature mixer. The following
analog filter attenuates the interferers and the PGA controls the gain. The IC features
an I/Q phase imbalance cancellation scheme as shown in the block diagram of the
analog base-band. The LO imbalance circuit needs four 25% duty cycle clocks
derived from the external LO clock. The quadrature mixers can properly demodulate
the input RF signal even if a few degrees of LO I/Q phase imbalance exist. The G,,-C
filter following the mixer is duty cycle controlled followed by I/Q signal path
rotators. This stage provides channel selection, antialiasing and image rejection.
The DT G,,-C filter can be configured as a LPF in zero IF mode or BPF in the low IF
mode. The filter control pulses are generated by a variable duty cycle pulse
generator. The PGA consists of cascade-connected unit gain cells using two-OTA
based amplifiers.

The circuit diagram of the OTA networks of a reconfigurable filter is shown in
Fig. 5.36¢c which is applicable for both low-IF and zero-IF cases. As discussed
earlier, a duty cycle control scheme is used to achieve reconfigurability. Each G,, is
controlled by a variable duty cycle control pulse. By using two OTAs in parallel and
switching them complementarily as shown in Fig. 5.36d, the effective G,, can be
tuned. Note that the center frequency can be varied by varying G,,s in Fig. 5.36¢.

5.9 G,,-C Filters for EEG Application

Casson and Rodriguez-Villegas [5.36] have described a 60 pW G,,-C continuous
wavelet transform circuit for portable EEG systems. For portable and wearable
electronics, extreme miniaturization is required. This limits the available battery
size and power drain. The EEG needs to record the voltage between electrodes put
on the scalp typically in the range 1-150 pV peak to peak over a 1-70 Hz
bandwidth. The devices need to be discrete, lightweight, and comfortable for user
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acceptance. These chips need real-time data reduction as well so that the transceiver

power can be reduced.
The CWT (continuous wavelet transform) is suitable for low power

implementations. The CWT of a signal f(¥) is defined as

W(a,b) = \/La [ : £(n) v (’j’) dt (5.20)
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Fig. 5.36 (a) Architecture of software defined radio receiver, (b) block diagram of analog
baseband, (c¢) transconductor networks of reconfigurable filters, and (d) duty cycle controlled
transconductor and timing chart of control pulse (Adapted from [5.35] ©IEEE 2011)
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where V() is the mother wavelet, a is a dimensionless analysis scale, and b is the
time at which the transform is taken. This corresponds to convolution of f{f) with an
impulse response

h(t) :—&”(f—) (5.21)
a

It has been found that A(f) in (5.21) corresponds to a band-pass filter. The mother
wavelet chosen was similar to the Mexican hat also called the low power CWT
(LPCWT). A rational approximation to this can be found as the seventh-order
transfer function

H(s)=
—6.88X1073 52
2.34X1078 57 +1.34X 1076 s°+3.7X 1077 s° +6.79X 10~* s* +8.67X 1073 s3
+0.0755>+0.40s + 1
(5.22)
The LPCWT mother wavelet function has the transfer function
/8
1/4 g a552

H(s) —T (5.23)

1457+ (#) 52 —i—(%3 —TT“Z) s34

where the denominator is a truncated Maclaurin expansion of the term e(SP#)
and T is a delay introduced to ensure that H(s) is open-loop stable. The impulse
response is shown in Fig. 5.37a.

The G,,-C filter used is shown in Fig. 5.37c which is derived from the RLC
prototype shown in Fig. 5.37b. The latter is obtained by replacing each grounded
and floating inductor by a grounded and floating OTA-C-based inductance simula-
tor, respectively. The authors have used the OTA of Fig. 5.37d which uses NMOS
input transistors. The G,, realized in the weak inversion mode is

Ihias
8m =

= 5.24
2n UT ( )

where n = 1.3. Using a [,;,; of 6.5 pA, a transconductance of 100 pS can be
realized. The reader is urged to refer to [5.36] for an excellent treatment on issues
related to deep weak inversion operation.

At extremely low currents, leakage current of the bond pads becomes significant.
The linear range of a differential pair can be found as

Vim = 1.5n UT\/‘C(I + if) (5.25)
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. = 7% order LPCWT
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Fig. 5.37 (a) LPCWT (low power continuous wavelet transform) mother wavelet (a = 0.1 and
T = 0.4 s) resembling Mexican hat (shown in dotted lines), (b) seventh-order LC ladder filter
structure, (c¢) g,,-C implementation of (b), and (d) NMOS transconductor (Adapted from [5.36]
©IEEE 2011)
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Fig. 5.37 (continued)

where 7 is the allowable maximum difference between the ideal and actual nonlinear
output current of the transconductor and ir = Ipg/ls. For deep weak inversion, iy — 0

and Vj;,, = 10.9mV whereas for standard weak inversion, ir = 0.1 and V};, = 11.4mV.

The authors have also pointed out that flicker noise corner frequency fis less than fq %}z

Since Ipg is very low, thermal noise is predominant. Hence, NMOS transistors have
been used. The lower V simplifies the operation using a 1 V power supply. The
mismatch of transistors at the weak inversion region is about the same as that for deep
weak inversion operation. The frequency response of the OTA is dominated by a zero.
For the differential amplifier of Fig. 5.37d, the w, is 37 Hz. This introduces distortion in
the frequency response that can be corrected by predistorting the value of capacitor C;
(see Fig. 5.37a).

510 G,,-C Filters for HDD

Pandey et al. [5.37] have described a 140 mW fourth-order linear-phase low-pass
filter for HDD read channel application. The architecture of the HDD front-end is
shown in Fig. 5.38a. The real pole of the fifth-order filter is realized separately using
R and C following the AGC block. The single-stage OT A employed in this design is
based on complementary differential pairs as shown in Fig. 5.38b. The input signal
is fed to both pairs thus increasing the effective transconductance. The power
efficiency is increased since the biasing current sources can be shared by the two
differential pairs. The CMFB loop is presented in Fig. 5.38c which minimizes the
parasitic poles and thereby improves the stability. The simplified equivalent of the
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Fig. 5.38 (a) Schematic of HDD front-end, (b) single-stage OTA based on complementary
differential pairs, (c) class AB CMFB system with enhanced loop stability, (d) simplified CMFB
loop schematic, and (e) biquadratic section with CMFB (Adapted from [5.37] ©IEEE 2006)
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Fig. 5.38 (continued)

CMEFB loop is shown in Fig. 5.38d. The fourth-order filter realized is presented in
Fig. 5.38e wherein each stage has its own CMFB loop.

Read channel hard disk drives do not demand high linearity and high dynamic
range (typically 40 dB for each parameter). However, very high speed is required
and G,,-C filters are usually chosen since these use open loop structures. Bollati
et al. [5.38] have described an eighth-order 0.05 dB equiripple linear phase filter
using the G,,-C technique. This has a wide tuning range (30—120 MHz) and features
a programmable boost. The eighth-order filter is realized as three biquads and two
first-order cells. The highest pole-Q needed is 1.5. The equalization chosen is
E°PR4 realized through two opposite pairs of real axis zeroes. The numerator
realized is (1 — as)(1 + as) = 1 — a*s>. The complete filter is presented in
Fig. 5.39a which comprises a biquad and two third-order filters. The third-order
filter is shown in Fig. 5.39b. Note that OTAs G,,,; and G,,5 realize a real zero as can
be seen in the transfer function of the third-order filter:

Vo & 5 Cy 1
v =\ (5.26)
Vin ( 1 —i—% > (1 + 58mCi + S2C1C2>

Em28ma Em28ma
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Fig. 5.39 (a) Block diagram of eighth-order LPF, (b) third-order filter block diagram, (c)
degenerated differential pair used as a G,,, (d) Ve control, and (e) complete G,, control scheme
(Adapted from [5.38] ©IEEE 2001)
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For the second biquad, the current outputs of the pole 1 stage are cross-
connected as shown in the block diagram of Fig. 5.39b. The transconductor used
is a degenerated differential pair using a MOS transistor as shown in Fig. 5.39¢c. The
G,, is varied by two loops: (a) by varying the tail currents of the differential
amplifier, and (b) by an auxiliary loop controlling the resistance 2R where R = 1/2
gus3 through the voltage V,,,,,. as shown in Fig. 5.39d. The MOS transistor is realized
as several parallel resistors with each resistor comprising two MOS transistors
(see Fig. 5.39¢). The boost control needs a variable G,,; which is realized by
connecting a programmable array of binary-sized transconductors. The complete
G,, control scheme is presented in Fig. 5.39e. The G,, value is set using a servo loop
so that G,, is inversely proportional to an external resistance R. The reference
transconductor biases all the other transconductors. The reference transconductor
is folded and its differential output is converted to single-ended output. The
reference g, is driven by a fixed voltage AV and its output current is forced to be
equal to IDAC. Note that IDAC is derived from an external resistor on which AV is
forced. The main loop adjusts the tail currents of the differential amplifier. The
auxiliary loop controls the V,,,,.. This is realized using the opamp A,, resistor R,
and a current proportional to the tail current of the transconductor. Note that the
auxiliary loop is faster than the main loop.
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5.11 G,,-C Filters for Power Supply Applications

A very low offset rail-to-rail G,,-C filter has been described by Forghani-Zadeh and
Rincon-Mora [5.39] for application in current sensing in switching power supply
applications. The basic concept is illustrated in Fig. 5.40a, where the voltage across
the inductor is measured using a G,,-C first-order filter. Since the equivalent series
resistor of the inductor is very small (on the order of a few milliohms), low offset
performance is required. The authors present an excellent review of offset cancel-
lation techniques [5.40] using autozero (AZ) as well as chopper. The important
features of both these are summarized in Table 5.5. The AZ technique extensively
studied earlier in Chap. 4 measures offset and subtracts it in the processing phase.
The chopper on the other hand changes the polarity of the offset every clock cycle
and on average cancels the offset. A modulator and demodulator at the chopping
frequency are placed before and after the filter. The signal is modulated to high
frequencies but not the offset of the amplifier. Hence, the signal is demodulated
back whereas the dc offset is modulated at high frequencies beyond the pass-band
of the filter and can be removed by filtering. In power supply applications,
autozeroing is preferred, since the inputs can extend up to a few MHz making the
chopping frequency very large. Chopper schemes are continuous in time unlike in
AZ, whereas in AZ schemes information is processed at discrete time instants.

Continuity can be achieved in an AZ scheme by using ping-pong or feedforward
architectures. In ping-pong, while one amplifier is sensing and measuring the offset,
another is processing the signal. There can be glitches during the transfer from one
amplifier to another. In the feedforward technique, an error amplifier continuously
cancels the offset thereby avoiding switching. The offset nulling amplifier is itself
autozeroed and its output which tunes the main amplifier is sampled and held across
a capacitor. The feedforward technique suffers from intermodulation effects
between the AZ clock frequency and the input signal. Note that negative feedback
is necessary to provide a sample of the offset across the input terminals without
changing the connectivity. Table 5.6. summarizes the features of ping-pong and
feedforward architectures.

The authors propose autozeroed ping-ponging dual-input summing trans-
conductors, two offset programming capacitors for each OTA (Cj,,_, Cp14, Cro—,
Cio.), a single bandwidth setting capacitor, and gain setting resistor R (see
Fig. 5.40b). Note that an input differential pair is dedicated to the input signal
and another to the offset. The advantage is that the offset holding capacitor is not in
the signal path and hence not band-limiting the signal.

Note that in Phasel, the main input pair is short-circuited and the auxiliary pair is
connected in the buffer configuration, thus charging the capacitor C, with the
overall offset of the opamp. In Phase2, this offset is subtracted from the input by
breaking the unity gain feedback loop and connecting the stored offset across the
auxiliary opamp. The input signal is simultaneously connected to the input pair. It
can be shown that the offset is cancelled. Note, however, that the clock feedthrough
and charge injection will cause a residual error to exist that is quite small. Note that
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Fig. 5.40 (a) Programmable and continuous low offset G,-C filter for current sensing in
switching power supply applications, (b) ping-pong G,-C filter with autozeroing summing
transconductors, (c) linear dual-input rail-to-rail transconductance cell with tunable &, and (d)
full schematic of the G,, cell (Adapted from [5.39] ©IEEE 2007)
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Table 5.5 Summary of dynamic offset cancellation technique (Adapted from [5.39]©IEEE2007)

Chopper Auto zero

Modulates and filters Dc offset Sample and subtract offset
Continuous Discontinuous

Higher noise reduction Lower noise reduction
Low bandwidth (BW <0.5fcpop) High bandwidth

Table 5.6 Summary of continuous-time AZ techniques (Adapted from [5.39]©IEEE2007)

Ping pong Feed forward

Higher glitch content Lower glitch content

Used in open- and closed-loop Only used in closed-loop, negative feedback
amplifiers amplifiers

No intermodulation effect Intermodulation effect

the bottom circuit performs a similar function in Phase ¢,,. During transition from ¢
to ¢,, a few mV glitches will exist due to parasitic capacitances at the output of the
transconductor.

The transconductance used is shown in Fig. 5.40c which is linear and provides
rail-to-rail operation. Note that the G,, is a resistor-based current conveyor. The
current I is V;4/R; due to the opamp A;,,. This current is mirrored to the output by
current mirror M; and M, thereby defining the transconductance as k/R; where k is
digitally programmable. The auxiliary transconductor G,, is also shown in
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Fig. 5.40d. Note that I, and I,,; bias M5 and M,. The feedback loop forces the gate
voltage of M, so as to sink /;, and I;. In other words, M, M5, and M, form a current
mirror. The full schematic of the G,, cell is shown in Fig. 5.40d. The bits dg—d
control k using the cascode transistors M,q—M,¢. The amplifier A, maintains the
drain voltage of P; and P, equal to minimize channel length modulation errors and
sets the bias voltages properly. The auxiliary pair consists of the current canceling
differential pairs N,—N;, and NN, realizing a low transconductance. The band-
width of the filter is tuned using R realized as a programmable binary weighted
polysilicon resistor. The offset achieved was < 210 pV.

5.12 G,,-C Filters for Other Applications

Mobarak et al. [5.41] have suggested a scheme for cancelling distortion due to OTA
in OTA-C filters. Consider their scheme presented in Fig. 5.4 1a. In this, the auxiliary
OTA generates a current G,,V,,/2 which is converted into voltage using the resistor
R = 1/G,, (and capacitor C, representing the parasitic output capacitance and input
capacitances of the OTAs). The difference between the input voltage and this
voltage is converted into current by the OTA in the normal path. The current output
of the OTAs can be expressed as the sum of linear and nonlinear components.
The final output current is devoid of the nonlinear components as can be seen
from the equations given in the inset of Fig. 5.41a. Note that the phase-shifter
block is required to cancel the phase difference between the main and auxiliary
paths. The G,;s need to be identical for good cancellation. A fully differential
implementation follows the scheme of Fig. 5.41b. Note that the phase-shifter is a
first-order filter with programmable resistance R.. The reader is urged to verify the
gain factors 2/3 and 1/3 needed to achieve perfect cancellation. Resistors R and R,
can be tuned with 6-bit resolution.

The G,, used in the realization is shown in Fig. 5.41c which uses a folded
cascode configuration and is fully differential. The output common mode feedback
loop also is shown in Fig. 5.41c. The input attenuation by k;, (1 — k) and &, is
realized using capacitors by using floating-gate type input devices M.. The sche-
matic of the error amplifier is shown in Fig. 5.41d. Note that the series resistance R,
realizes transmission zero to ensure stability of the CMFB loop. The second-order
low-pass filter based on the two-integrator loop realized by replacing each OTA
with the circuit of Fig. 5.41b is presented in Fig. 5.41e. As is required in other G,,-C
filters, a tuning loop is required. In this design, the authors use the distortion
cancelling scheme as shown in Fig. 5.41f for realizing the tuning loop. It can be
seen that the phase detectors PD3 and PD4 detect the phase difference between
both inputs of both OTAs in the normal and auxiliary paths and derive a control
signal for the resistors R.. In a similar manner, the effective gain of the auxiliary
path k,G,,R is measured by comparing the phase difference between inputs and
outputs using two phase detectors PD1 and PD2 and deriving a control voltage
to vary R accordingly. Note the tuning is sequential and not adaptive, however.
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Fig. 5.41 (a) Attenuation predistortion linearization scheme, (b) application of (a) to a fully
differential circuit, (c) folded cascode opamp, (d) error amplifier circuit in the CMFB loop,
(e) fully differential second-order low-pass filter, and (f) automatc linearity tuning scheme
(Adapted from [5.41] ©IEEE 2010)
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Fig. 5.41 (continued)

An IM3 improvement on the order of 22 dB has been found compared to
realizations not using distortion compensation.

Acosta et al. [5.42] have unified the transconductor structures and derived a
new architecture for realizing transconductors with large linearity. They observe
that the linearity for transconductors should be based on the linearity of resistors.
They suggest that CCII-based implementations have such a feature. Consider the
CClIl-based transconductor shown in Fig. 5.42a where in the input differential
voltage is buffered by the unity gain amplifiers between the y and x terminals of
both the CClIs and is converted into current using two resistors R. This current is
delivered at the z terminals of the current conveyors to flow into the output
terminals. This configuration has very high input resistance. However, the input
range is not rail to rail since the buffers need to track the input voltage. The voltages
at the x terminals are complementary and the junction of resistors will be at signal
ground for differential inputs equal to the common mode voltage. Hence a resistive
divider can be used for output common mode voltage detection. An alternative
architecture separates the signal ground as shown in Fig. 5.42b. Note that matching
of resistors R will be required. This is a pseudo differential topology. The input
common mode voltage needs to be sensed and applied via a buffer stage to signal
ground. The third topology uses resistors in series with x inputs to convert the input
voltage to current at the z terminals. The y terminals of both the CCs are connected
to common voltage V.. This configuration is also sensitive to mismatch of resistors
R. The input range can be rail to rail. However, the input resistance R is loading the
previous circuit. The alternative circuit of Fig. 5.42d uses two transconductors of
Fig. 5.42a and cross-couples them. The transconductance obtained is 1/R;—1/R,.
Thus, very small transconductances can be obtained.

Several alternative structures are possible for the voltage buffers. Some of these are
presented in Fig. 5.43a—e. It is required that these buffers have provision to provide a
copy of the output current at a separate terminal. In all the cases except Fig. 5.43c, the
V-I converter serves as a resistor to sense the current. A source follower is presented
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inFig. 5.43a which is less linear, is simplest, and fast due to the absence of feedback.
The current can be conveniently sensed at the drain of the transistor M. The output
resistance can be increased by using a cascode connection but the power supply
voltage needs to be larger. To increase linearity, the G,, needs to be increased
needing a larger bias current and width of transistor M;. The circuit of Fig. 5.43b
needs a compensated opamp thus reducing the bandwidth and increasing the power
consumption. However, the unity gain requirement is more easily satisfied than in
the case of Fig. 5.43a due to the feedback reducing the dependence on V5. Another
voltage follower is shown in Fig. 5.43c in which a folded cascade-type amplifier can
be used yielding the circuit of Fig. 5.43d. The circuit of Fig. 5.43d leads to a higher
power consumption and needs frequency compensation. The simplest implementa-
tion of an opamp in the circuit of Fig. 5.43c can be based on a single transistor as
shown in Fig. 5.43e. It is faster and needs less power than the circuit of Fig. 5.43d. It
provides the needed gain and linearity. The output current cannot be directly taken
from the terminals shown in Fig. 5.43a—¢ but it is required to have a current mirror
with high output impedance. Three current follower circuits are presented in
Fig. 5.44. The circuit of Fig. 5.44a is based on a current mirror. Note that in the
circuits of Fig. 5.43c—e, the current source in the source leg of the transistor can be
the driver transistor of the current mirror thus simplifying the circuit. The circuit of
Fig. 5.44b is a folding stage whereas the circuit of Fig. 5.44c is the well-known
regulated cascode. The latter circuit has very low input resistance. Both the circuits
of Fig. 5.44b and c are mismatch insensitive. But, the swing of Fig. 5.44c is lower
due to the stacked transistors.

The tuning of the transconductors to an extent of 50% can be achieved in several
ways as shown in Fig. 5.45. In Fig. 5.45a, the resistors R can be tuned using MOS
transistors in place of resistors. However, this degrades the linearity of the
transconductor. In the circuit of Fig. 5.45b, the current mirrors are tuned. This
does not degrade the linearity of the core transconductor. Current scaling can be
accomplished using transconductance multipliers [5.43]. In the arrangement of
Fig. 5.45c, resistor dividers R; and R, realize attenuation without affecting the
core. Furthermore, the accuracy depends on resistor ratios and not on absolute
values of resistors as in Fig. 5.45a. The tuning resistors can be small so that voltage
swings are less thus avoiding distortion. In the circuit of Fig. 5.45¢c, « = 1 + Ry/R;.
Note also that complementary voltages are created at nodes A and B. As such,
a signal ground is created at the junction of A and B equaling a voltage V4. In the
alternative tuning scheme of Fig. 5.45d, resistive current splitting takes place
leading to a dual-output transconductor. The price paid is the extra additive current
followers and sensitivity to mismatch.

Acosta et al. [5.42] proposed a highly linear tunable transconductor based on the
various buffer amplifiers, current mirrors, and tuning arrangements discussed above.
They employ the modified tuning scheme of Fig. 5.45c, the voltage follower of
Fig. 5.43c, the current follower of Fig. 5.44b, and the transconductor of Fig. 5.42a.
The complete OTA schematic is presented in Fig. 5.46a. The buffers are realized by
the pairs of transistors M; and M,. The resistors R convert the voltage into current.
The current is sensed at the sources of the buffer amplifiers and delivered to



538 5 Practical Designs of VLSI Analog Filters

cci J { ccn

Fig. 5.42 CCll-based transconductor topologies: (a) with high input resistance, (b) alternative of
(a), (c) with high input range, and (d) modification of (a) using two cross-coupled transconductors
(Adapted from [5.42] ©IEEE 2009)
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Fig. 5.43 Voltage follower implementations: (a) simple source follower, (b) super-G,, stage,
(c) alternative servo loop, (d) implementation of (c¢) using folded cascode amplifier, and
(e) implementation of (c¢) using common-source amplifier (Adapted from [5.42] ©IEEE 2009)

the output through the transistors Mcy. The resistor network provides tuning.
Acosta et al. [5.42] suggest simplification as shown in Fig. 5.46b by noting that
alr can be tapped at the source of transistor My thus not necessitating the use of
resistors R, in Fig. 5.46a. This will help to reduce the swing at nodes A and B.
The detailed implementation of Fig. 5.46b is presented in Fig. 5.46¢ including the
biasing current sources. A third-order G,,-C low-pass filter for VDSL applications
has been realized. The low-pass filter schematic is presented in Fig. 5.47. The resistor
2Ry has been implemented using a MOS transistor Mp; controlled by the program-
ming voltage Vprog.

Le-Thai et al. [5.44] have proposed a bandpass filter based on coupled resonators
and a G,,-C technique using a low distortion transconductor. They have reviewed
the various linearization techniques of transconductors presented in Fig. 5.48.
The G,, of the transconductor of Fig. 5.48a use resistive degeneration at the expense
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Fig. 5.44 Current followers
(a) using current mirrors,
(b) folding stage and

(c) regulated cascode

stage (Adapted from [5.42]
©IEEE 2009)

Fig. 5.45 Transconductor tuning techniques: (a) using resistors used for V-I conversion, (b)
scaling the output current, (c¢) using resistor current division, and (d) using resistive current
splitting (Adapted from [5.42] ©IEEE 2009)
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Fig. 5.46 Evolution of transconductor (a) starting topology using the tuning technique of
Fig. 5.45(c), (b) modified tuning strategy, and (c) detailed circuit (Adapted from [5.42] ©IEEE
2009)

of more power consumption and are very linear. An improved version of Fig. 5.48a is
shown in Fig. 5.48b which uses dynamic source degeneration wherein the resistance
is adapted based on the amplitude of the input signal. The range of input voltages over
which the G, is linear is broadened but the variation of G,, in this range is still high.
Another technique shown in Fig. 5.48c uses tunable feedback. The alternative
technique of Fig. 5.48d uses both dynamic source degeneration and tunable feedback.
This needs higher power while achieving good linearity. The transconductor of
Fig. 5.48e uses bias feedback using four additional transistors M3;—Mg. These keep
the total current flowing through the transistors M, and M, balanced.

Furthermore, the mismatch of the main differential amplifier and the adaptive
biasing block affects the performance. However, all the techniques of Fig. 5.48 are
not attractive for low power supply voltages.
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Fig. 5.47 Schematic of third-order low-pass filter (Adapted from [5.42] ©IEEE 2009)

The linearization technique presented by Le-Thai et al. [5.44] realizes a superpo-
sition method to reduce the nonlinear components. The basic principle is presented
in Fig. 5.49a which uses superposition of two types of structures with opposite
nonlinearity behavior. The three transistor pseudo differential arrangements M,—M3
and M;—M, are different. These use, however, the same self-cascode structure using
transistors M|, M,, and M;, Mg, respectively. It can be shown that the G, is flat and
the first derivative of G,, is kept nearly zero over a large range of input signals.
The THD is found to be better than all other structures: conventional differential pair
(CDP), dynamic source degeneration (DSD) of Fig. 5.48b, or bias feedback pair
(BFP) of Fig. 5.48e. The complete transconductor circuit is presented in Fig. 5.49b
where the devices Ms—Mg form the active current sources. The CMFB loop is
presented in Fig. 5.49c using a resistive common mode detector for achieving
good linearity. The capacitors C, prevent the phase margin degradation of the
CMFB due to distributed capacitance of 100 K ohm resistances R,. The design
also features a CMFF loop since the circuit is pseudo differential. The CMFF loop is
formed by transistors M|,—M 3. The output impedance of the transconductors can be
increased by using negative resistance shown in Fig. 5.49d.

The authors have described a 80 MHz IF bandpass filter using the coupled

resonator-type structures. These are presented in Fig. 5.50a, b. Denoting ;> = %
and wy? = Lz% the transfer function of the structure of Fig. 5.50a can be written as
8mi8m | (2
% ( CiC ) §
° = 2 (5.27)

Vi (32 +0?) (s +wd)

The bandwidth and the pass-band flatness are sensitive to process and tempera-
ture variations in this configuration. In the structure of Fig. 5.50b, the
transconductor —G,,,3 introduces negative feedback and the resulting transfer func-
tion can be derived as

Emi&m 2
v, (82)s

Vin s4 +2 52 (% + 8n2126§'2mz> + (&)2

(5.28)
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Fig. 5.48 Various linearization techniques for G,, cells: (a) resistive source degeneration tech-
nique, (b) dynamic source degeneration technique, (c¢) tunable feedback technique, (d) source
degeneration tunable feedback combined technique, and (e) bias feedback technique (Adapted
from [5.44] ©IEEE 2010)

|||r—o

Comparing the denominators of both (5.27) and (5.28), we can see that w;> w,?
= (&)2 = o} and ;% +w,? = 2(w,> + wp?) where wp? = f22%2  The band-
width of the filter can be seen to be

BW:wz—wlzx/EwA:,/gmzC# (5.29)

showing that the bandwidth is dependent on G 3. Since 2% = /g"’zg#, it is indepen-

W,
dent of process and temperature variations. Note that w, = % The complete filter
structure is presented in Fig. 5.50c. The LC resonators are designed using G,,-C
integrators. The ratio G,,/C determines the center frequency of the filter.

A widely tunable cutoff frequency G,,-C filter with scalable power dissipation
due to Tajjali and Leblebici [5.45] is considered next. The authors propose a new
approach for improving the linearity of biquadratic G,,-C filters based on a two-
integrator loop. The conventional fully differential biquad topology is shown in
Fig. 5.51a. The currents flowing through the capacitors C,, and C, can be written as

Iy = & (Vi =Vin) = (Vor — Von)] (5.30a)



544 5 Practical Designs of VLSI Analog Filters

out- out+

M2 ver

0 M1 M3

b ved
CMFF ME M5 CMFB M5 M6 CMFF
Surd f""—l’
P
M2 e Mz M2 M4 MA M2
int 1M :Ii-l M3 M L
= = = =

oul
wi

Fig. 5.49 (a) Core structure of the CMOS transconductor, (b) overall design of the
transconductor, (¢) CMFB and CMFF technique, and (d) negative resistance circuit (Adapted
from [5.44] ©IEEE 2010)
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Fig. 5.50 Two filter a . Vx
structures using: (a) cascaded Vin m - Vout
resonators, (b) resonant am Ig/2
coupling, and (c) complete
filter circuit (Adapted from Ly G L G
[5.44] ©IEEE 2010)
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Each OTA converts a differential voltage into current and then sums these
currents, for realizing each equation. When the input signal is large, the linearity
problem arises since the OTA needs to convert these large swing signal voltages
into currents. However, Tajalli and Leblebici [5.45] suggest rewriting Equations
(5.30) as

I = 8,1 [(Vie =Vor) + (Von — Viv)] (5.31a)

It = 8,0 [(Viup —Vor) + (Von — V)] (5.31b)
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Thus, although the transfer functions do not change, each OTA needs to convert
the difference of two signals that are in phase resulting in a much smaller input
voltage swing. The implementation of this idea is as shown in Fig. 5.51b. Note,
however, as the frequency increases, due to the increasing phase difference between
V; and V, and V), and V,, degradation of linearity enhancement takes place.
However, the performance is still better than that of Fig. 5.51a. The linearity
performance is better when the devices are biased in weak, moderate, or strong
inversion as well. The schematic of the folded-cascode OTA used in this design is
presented in Fig. 5.51c. This consumes more power than conventional differential
amplifiers. However, it can provide a wider input common mode range. The tuning
range achieved was 50 Hz to 2 MHz for bias currents of 10 pA to 10 pA. Note that
this technique is applicable when V; and V,, do not differ much. The authors have
realized sixth-order Butterworth filters in 0.18 p CMOS technology with constant
linearity over the entire tuning range.

A fully integrated 1.5-15 Hz low-pass filter with a linear tuning law has been
described by Bruschi et al. [5.46]. This uses triode-based transconductors.
A second-order low-pass filter shown in Fig. 5.52a has been realized using
Cry = 70 pf and Cr, = 35 pF. The important feature of the circuit is that although
low G,, is realized, the input common mode range is comparable to a conventional
differential pair in the saturation region. The transconductor used by the authors is
shown in Fig. 5.52b which uses a triple input amplifier (TIA) to keep Vg of the
transistors M; and M, at a fixed value that keeps them in the triode region. The TIA
is presented in Fig. 5.52c which has three inputs: inputs V, and V3 and a terminal Vg
which is a reference for input common mode voltage. The differential output stage
is formed by M»4, M34, Mg, and M3g. Note that V4 — Vg = Vg — Vg = Rlg where R
is a fixed resistance of value 50 K ohms. The TIA is cascaded to a fully differential
common source stage formed by M5 and M, whose loads are the transistors M; and
M,. Thus, a two-stage differential amplifier is formed with its inputs connected to
the outputs in a negative feedback loop. The reader is referred to [5.46] for
exhaustive design information. The G,, realized can be shown to be G,, = k, k3

B B
BRIune whereks = =fe. ko =f2 ki =g~ f=p, Cor * and By =, Cor

% Note that all the bias currents are obtained from I,

It is possible to realize programmable G,,-C filters [5.47] by using fixed G,, and
programmable capacitors or having fixed capacitors and programmable G,, as
shown in Fig. 5.53. The circuit of Fig. 5.53a is used as reference for evaluating
these two options shown in Fig. 5.53b, c. The power dissipation is proportional to
G,, and noise current spectral density due to OTA can be written as 4kTyG,,. Thus,
the noise of the circuit of Fig. 5.53a is nkT/C. The “constant-C” design of Fig. 5.53c
retains the same noise whereas the power dissipation is decreased for realizing
fe = femax/n. On the other hand, for the “ constant-G,,” design of Fig. 5.53b, the
noise is decreased whereas the power dissipation is same. Figure 5.53 summarizes
these results. The constant-C approach is preferable since lower power dissipation
can be obtained for lower frequencies.
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The desired g,, can be composed using several unit G,,s in parallel. In such an
arrangement, it is relevant to consider the effect of parasitic capacitances. As an
illustration, in the G,,-C second-order filter of Fig. 5.54a, if transconductances are
switched, several parasitics vary thus changing the pole-frequency and pole-Q (see
Fig. 5.54b). On the other hand, if the parasitics are fixed, although the G,,s vary, the
pole-frequency change will be proportional to the G,, change and Q will be fixed
(see Fig. 5.54c¢).
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Fig. 5.52 (a) Second-order G,,-C low-pass filter, (b) topology of transconductors used in (a), and
(c) three-input amplifier (TIA) simplified schematic (Adapted from [5.46] ©IEEE 2007)
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Fig. 5.53 (a) First-order G,,- a

C filter and lowering the cut
off frequency using (b) : 3 5
variable capacitor and fixed fenex = Go/(2RC)
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variable G,, (Adapted from v,, = NWKT/C
[5.47] ©IEEE 2000)
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The constant capacitance scaling can be shown not to increase the harmonic
distortion. The unit transconductance element is shown in Fig. 5.55a. M; and M,
form the differential amplifier whereas M5 and M, form a dummy differential pair.
Ms, Mg, M7, and Mg form the current sources for these two differential pairs.
When M, and Mg are supposed to act as current sources (i.e., b = 1), their gates
are connected to V,,,.. Otherwise, the gates are shorted to ground through a pass
transistor and gates of Ms and Mg are connected to V. so that one of the
differential amplifiers is always connected to the input. Thus, the input capacitance
is independent of “b”. M, and M4 operate in the triode region and are used to
switch off the load current sources. My—M, are cascode devices that enhance the
output impedance of the PMOS current sources. Note that the total power dissipa-
tion is constant and independent of “b”. Several G,,s can be connected in parallel to
realize a programmable G, with constant input capacitance as shown in Fig. 5.55¢
for a 4-bit programmable element,, The various properties of the two
transconductor parallel connection (see Fig. 5.55b) are as shown. The 4-bit pro-
grammable transconductor shown in Fig. 5.55¢ realizes a maximum G,, of 19G,,,,,.
A fourth-order Butterworth filter realized using a cascade of two biquads is shown
in Fig. 5.55d which has pole-frequency programmable from 60 to 350 MHz.
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The CM feedback circuit is shown in Fig. 5.55e. M., and M, form the common
mode detector. M¢s is a PMOS source follower stage. M 3, M4, M1, and M. >
form a servo amplifier. M, is a source follower. The device M9 operates in the
triode region and this transistor together with capacitor Cp forms a crossover
network. M., and M, are similar to M,;, M4 in the transconductor (see
Fig. 5.55a).

The tail currents of all the OTAs are varied by using the bias circuit of Fig. 5.55f
which generates a current. Note that M3, M4 form a current mirror and My, My,
together with R realize the condition

G = = G (5.32)

Thus, the G,, of the transistor My, is 1/R. The transistors M,s—M,;, ensure that
M, and M, and M}, operate in exactly the same manner. The common mode voltage
reference is fed to the M,¢ gate. The reader may verify that the voltage at Y is the
same as that at X. Since the G,, of M}, is maintained at 1/R so is the transcon-
ductance of M ,—M,.

Lo and Hung [5.48] have described a wide tuning range G,,-C filter based on the
transconductor shown in Fig. 5.56a. When the transconductor operates in weak
inversion region, it can be shown that

1, =t Vi=V) (5.33)
102 Req

Note that R, is chosen larger than V;/I.. The drain current of the transistor can
be written as

w Vs
Ip =1Ipo — —_— 5.34
p =1Ipo - exp <n Vr) (5.34)

where n is the subthreshold slope factor. On the other hand, when the trans-
conductor is operating in the strong inversion region, it can be shown that

21(‘2
Icl
2

R -
“ N k[(fl

I, = (Vi—V)) (5.35)

Thus, in both cases, the transconductance can be changed by tuning /.,/I.,. The
tuning range can be extended by designing the transconductor so that it can switch
from weak inversion region to strong inversion region continuously. Thus, the input
stage remains in weak or strong inversion, however, the output stage can move from
weak to strong or vice versa.
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Fig. 5.54 (a) A second-order G,,-C filter, (b) programmable version of (a) using variable G,, and
variable parasitics, and (c¢) programmable version of (a) using variable G,, but fixed parasitics

(Adapted from [5.47] ©IEEE 2000)
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The resistor R, is realized as shown in Fig. 5.56b which comprises a parallel
connection of a large resistor and a small resistor. The large resistance is realized by
the output impedance of four parallel connected transistors in the saturation region,
when V,,,,4. turns off Mpg. On the other hand, when Mg turns on, the resistance is
that of Mrg working in the triode region.

a Vdd

f1-b) x Vdd
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Fig. 5.55 (a) A unit transconductance element, (b) parallel connection of two transconductors, (c)
4-bit programmable constant capacitance transconductor, (d) fourth-order G,,-C filter using
transconductors of (c), (¢) common mode feedback circuit, and (f) bias circuit for transcon-
ductance (Adapted from [5.47] ©IEEE 2000)
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Fig. 5.55 (continued)

The complete circuit of the transconductor is shown in Fig. 5.56c. The mode can
be selected by the circuit of Fig. 5.56d. If the gate voltage of MIC 3 is greater than
Vs Vinode 18 set to “1” using the chain of inverters. Otherwise, it is set to zero ground
voltage. The authors have implemented a fifth-order elliptic low-pass filter.
The cutoff frequency was suggested to be tuned by changing the bias current of
the OTA which, however, is not implemented by the authors.

Chen et al. [5.49] have described a fourth-order OTA-C linear-phase filter with
automatic frequency tuning. The pseudo-differential OTA used in their design is
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a

Fig. 5.56 (a) Transconductor with wide tuning range, (b) equivalent resistor circuit, (¢) complete
implementation of the transconductor, and (d) V,,,4. switching circuit for the transconductor
(Adapted from [5.48] ©IEEE 2007)
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Fig. 5.56 (continued)

presented in Fig. 5.57a. Note that M5 and M, operate in the saturation region and
M; operates in the triode region. The transistor M, and opamp form a RGC
(regulated gain control) loop to fix the drain voltage of M, to V,,,. independent
of the input signal level. The OTA uses CMFF, adaptive biasing as well as
CMFB as shown in Fig. 5.57b. The CMFF/bias circuit shown on the right is a
replica of a single branch of the OTA of Fig. 5.57a except that the transistor M/’ is
split in two connected to the input voltage. The left circuit comprises a CMD.
Transistors Ms and Ms' work in the deep triode region to improve the linearity of the
CMFB. The circuit compares V. with V, and generates the CMFB correcting
current which is added to that of CMFF to provide overall control to the
transconductor. Transistors Mg and M’ are driven by the output of the OTA and
CM reference voltage, respectively. The equivalent circuit of the CMFB is shown in
Fig. 5.57c. Note that three parasitic poles exist at nodes A, B, and C of which the
pole at C is dominant.

A fourth-order filter is shown in Fig. 5.57d in which six OTAs use a CMFF/
CMEB /bias whereas the Q determining OTAs have only CMFF/bias due to the low
output impedance. The automatic tuning system is shown in Fig. 5.57e. Note that
G,, and C integrate Vggr. The difference between the input and integrator magni-
tude is compared to generate a control signal to tune the integrator’s unity gain
frequency to the desired value.

Pankiewicz et al. [5.50] have described a field-programmable analog array
(FPAA) for CT OTA-C filter applications. This consists of 40 configurable analog
blocks arranged as five rows and eight columns. In addition there are three buffers.
Three different filters can be realized simultaneously. The CAB structure is shown in
Fig. 5.58a which has several switches around each CAB (see Fig. 5.58b) to facilitate
connection to other CABs using 12 switches. In addition the OTA has variable G,,
using 5 bits and a capacitor array has 5-bit control. Thus overall, 22 bits are used to
configure the CAB (configurable analog block). A total of 880 bits can configure the
complete FPAA. The OTA has controllable G,, whose structure is shown in
Fig. 5.58c. This is based on two cross-coupled differential pairs. The programmable
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current mirrors G and G, can facilitate changing the /,,,,. It can be shown that the
output current is given as

Lo =KVyAVig (5.36)

Fig. 5.57 (a) Pseudo differential OTA, (b) common mode control circuit, (¢) simplified CMFB
equivalent circuit, fourth-order equiripple linear phase filter, and (e) block diagram of the
automatic tuning system (Adapted from [5.49] ©IEEE 2003)
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Fig. 5.57 (continued)

where K = 0.5 uC,, W/L and A is the gain of the current mirror. Thus A or V, or
both can be used to program the G,, (= KV,A). The current mirror used is shown in
Fig. 5.58d which uses 31 cascode current mirrors connected appropriately using
switches. When a current mirror is not selected, its switches are used to connect its
gate of the lower transistor M, to ground. The authors have suggested a tuning
technique shown in Fig. 5.58e. The reference is a cascade of four first-order filters
with a overall gain of 4. At the cutoff frequency, the total phase shift is 180 degrees
and the gain is 1. The output is compared with the input by a phase detector which
gives a control voltage to adjust the g, of the OTA. The reader is referred to [5.50]
for a complete description including the floating voltage source V.

Lewenski and Silva-Martinez [5.51] described a fifth-order low-pass elliptic
filter based on the RLC ladder filter. The OTA used is highly linear. The basic
principle of the OTA is illustrated in Fig. 5.59a. Note that an adaptive nonlinear
resistance is used between the sources of the differential pair using source degener-
ation. This is realized using the cross-connected transistors in the ADP (auxiliary
differential pair) block. This reduces the third-order nonlinearity. The cross-
coupled transistors introduce a negative resistance that increases with input voltage,
thus effectively controlling the degeneration resistance. Cancellation of THD
is possible under the condition G,,pR < 1. The authors realize the condition
nG,yR = 1 using a feedback loop as shown in the calibration circuit in Fig. 5.59b,
where n is the desired scaling factor. The high loop gain adjusts the tail current
Itgn until the condition Vg = Vggr is met. The complete transconductance is
presented in Fig. 5.59c together with the common mode feedback loop. The CMFB
loop does not use adaptive degeneration. A fifth-order LP elliptic filter (see Fig. 5.59d)
was realized for powerline communications with 30 MHz bandwidth. The termina-
tion resistances were realized using polysilicon resistors. OTAs of fixed G,, were
used and capacitor arrays were used for frequency tuning of the filter.

Chen et al. [5.52] described the design of OTA-C filters using linearized OTAs.
A linearized cross-coupled differential pair based OTA is shown in Fig. 5.60a
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which uses source degeneration. The cross-coupling yields polynomial cancella-
tion. They have shown that HD; can be completely cancelled under ideal
conditions. However, the parasitic capacitances, mismatches between resistors
and transistors will limit the accuracy of cancellation. In addition, the OTA excess
phase also affects performance. The authors have also considered using FGMOS
(floating gate MOS) transistors in place of M; and M, as shown in the complete
circuit in Fig. 5.60b. The FGMOS transistor including all capacitances is illustrated
in Fig. 5.60c which results in input attenuation. The transistors Mg and M- perform

g o T ¥ ST SRS

Fig. 5.58 (a) Field-programmable analog array structure, (b) structure of configurable analog
block (CAB), (c¢) simplified schematic of CMOS programmable OTA, (d) simplified schematic of
programmable current mirror, and (e) schematic of tuning circuit (Adapted from [5.50] ©IEEE
2002)
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Fig. 5.58 (continued)

current division and facilitate tuning of the transconductance without changing core
OTA biasing conditions. Note that the common mode signal can be obtained at the
junction of resistors Ry (V¢y). It has been shown that the FGMOS type of OTA
improves linearity up to 10 dB at 20 MHz when compared to equivalent OTA not
using FGMOS input transistors. The reader is referred to [5.52] for more
information.

Silva-Martinez et al. [5.53] have described a seventh-order linear phase OTA-C
filter with on-chip automatic tuning. The OTA is based on complementary differ-
ential pairs as shown in Fig. 5.61a. Note that degeneration is provided by transistors
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Fig. 5.58 (continued)

Mgy and Myp for the n channel and p channel differential pairs, respectively. The
transistor My is split to obtain the CM signal. The even harmonic components are
cancelled whereas the third harmonic components still exist. The OTA can be
designed in two ways: (a) Vpsar1 = Vpsarz, Ip1 = Ip> and Np = Ny where Ny =
gm1/2G g Where G, is the small signal transconductance of Mg; and (b) using the
same dimensions for p and n channel input devices in which case VpgaT, Will be
larger than in the previous case. Hence nonlinear components are dominated by an
n-channel differential pair. The CMFB arrangement is presented in Fig. 5.61b
which has three parasitic poles. The stability can be improved using the OTA
circuit of Fig. 5.61c where capacitors C; provide a shorter path for high-frequency
signals. The authors describe an automatic tuning system shown in Fig. 5.61d where
the input amplitude and output at the unity gain frequency of an integrator are
compared to provide a control signal to node V7, in Fig. 5.61a for adjusting f,, by
tuning G,,,. The squarer is realized using the circuit shown in the inset of Fig. 5.61d.

Chatterjee et al. [5.54] have presented techniques for designing 0.5 V supply-based
filters. They exploit the use of forward biasing the body source junction of transistors
for reducing the V7 of the devices. They consider two structures: (a) with input to body
and (b) with input to gate. A body-input fully differential OTA with local common
mode feedback is shown in Fig. 5.62a. Inputs are applied to the bodies of PMOS
devices M, and Mg and their G,,,;, provides the transconductance. These are loaded
by M54, M>g which act as current sources. The transistors M3, and M3 form a cross-
coupled pair realizing a negative resistance thereby boosting the differential gain. The
common mode signal is detected by R4 and Rz which is fed to the gates of devices M 4,
Mg, M54, and M;5. The purpose of M, is to create a small dc shift between the output
common mode voltage 0.25 V and the gate bias of 0.1 V. A cascade of two stages as
shown in Fig. 5.62b realizes the two-stage OTA. The OTA is stabilized by adding
Miller compensation capacitor C¢ with series resistors R.



Transconduclor core Common mode feed-back

Fig. 5.59 (a) Technique for linearity enhancement of OTA, (b) self bias circuit (¢) complete
transconductor with CMFB and (d) a fifth-order elliptic filter implementation (Adapted from
[5.51] ©IEEE 2007)
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Fig. 5.59 (continued)

The gate input OTA is presented in Fig. 5.62d which is based on the basic
configuration of Fig. 5.62c. The body terminal is used for biasing. The input differen-
tial pair is formed by M4, Mg and active loads M54, M. The resistors R4 and R p
provide common mode feedback through the active loads. A level shifting current /;
develops a 0.15 V drop across R4 and Ry so that M,4 and M,y operate in the
moderate inversion. The bodies of M,4 and M,p are connected to the gate to reduce
their V7. The devices M4, M 45 realize a negative resistance for further enhancing the
gain. The body voltage of this cross-coupled pair is controlled by the bias voltage V.
A common mode feedforward path is added through Ms,, Msg, Mg, M34, and M5p.
The two-stage OTA based on the structure of Fig. 5.62d is shown in Fig. 5.62e.
Note that in the second stage, M, and M ;g realize the negative resistance with their
body voltage controlled by the low common mode voltage at the output. The OTA is
stabilized through the Miller capacitors across the second stage.

The OTA of Fig. 5.62e requires three biasing voltages V,,, V;, and Vyg. The
authors use replica circuits extensively to generate these bias voltages. An error
amplifier based on inverters is shown in Fig. 5.63a. The inverter compares its
switching threshold voltage with Vp /2. The stability of the feedback loop is ensured
through the compensating resistor R, and capacitor C,,. The generated V,,,, is used
to derive the level shifting voltage V; using the circuit of Fig. 5.63b. The voltage V,,
is generated by the resistors R). and the current source realized by NMOS transistor.
The voltage Vy is 0.25 V and the voltage across Ry, is 0.15 V. This voltage drop is
ratioed and transferred to the level shifter. Next, the V,,,, is generated by the circuit of
Fig. 5.63c. The output common mode voltage of the front-end opamp is compared
with 0.25 V and the difference is amplified to control V,,,. Finally, the cross-coupled
pair of devices M4, and M,z generating negative resistance (see Fig. 5.62d, e) are
biased by Vg generated by the circuit of Fig. 5.63d. A Schmitt trigger oscillator
formed by OTA, R, and C oscillates at a frequency given by

. 11
fo= RC 7111}#/; (5.37)
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Fig. 5.60 (a) OTA based on cross-coupled differential pairs with degeneration resistors, (b)
schematic of FGMOS OTA, and (¢) FGMOS transistor with all capacitances and equivalent
seen from V; (Adapted from [5.52] ©IEEE 2006)
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where ff = % with V), is the difference between trigger voltages for rising and

falling edges and V; is the difference between the two output levels of the Schmitt
trigger. When oscillations are present, the output of the XNOR gate decreases.
Otherwise, the output increases, thus controlling the oscillator.

The OTAs are used to realize tunable damped integrators using the circuit of
Fig. 5.64a which use three terminal varactors based on weak inversion MOS
capacitors. The tuning voltage is applied to the body and source and drain are
connected together. The capacitance is between gate and source. The resistors at the
input to V pp maintain the voltage at virtual ground of 0.4 V. A fixed capacitance is
also connected across the varactor.

a VDD

Vss

Fig. 5.61 (a) OTA based on complementary differential pairs, (b) CMFB arrangement exploiting
direct connection of OTAs, (¢) OTA with load capacitors used for stabilization of CMFB loop, and
(d) frequency tuning loop together with squarer shown in inset (Adapted from [5.53] ©IEEE 2003)
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Fig. 5.61 (continued)

The authors have fabricated a fifth-order low-pass elliptic filter for a 135 KHz
cutoff frequency using the leap-frog technique. An on-chip PLL-based automatic
frequency tuning loop is also incorporated (see Fig. 5.64c) which uses a three-phase
2. The
XOR detector compares the reference frequency with the VCO frequency and
controls the body voltage of the capacitors in the VCO. The VCO control voltage
Ve 18 fed to all the capacitors in the filter.

Andreani and Matison [5.55] have considered the use of the Nauta
transconductor [5.29] for low-frequency applications. They have derived the effect
of NQS (nonquasi-static) behavior of resonators and conclude that there is a
possibility of instability of LC resonators (see Fig. 5.65b). They also point out
that in the case of band-pass filters, tank transconductors need a low dc gain to
achieve high-Q whereas transmission transconductors need a high gain. They have

RC oscillator shown in Fig. 5.64b with a nominal frequency of f, =
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described two band-pass filters: one for a low IF receiver and another for a real
band-pass filter. The complex band-pass filter is based on the fifth-order
Butterworth filter prototype of Fig. 5.65c. Note that this is followed by a notch
stage to increase the out-of-band attenuation close to pass-band. The real filter is a
fourth- plus fourteenth-order doubly terminated band-pass ladder filter as shown in
Fig. 5.65d. The reader is referred to their work for an exhaustive discussion on
Nauta’s transconductor.
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Fig. 5.62 (a) Fully differential body-input gain stage with CMFB, (b) two-stage version of (a)
with Miller compensation, (¢) conceptual circuit of a gate-input OTA, (d) more detailed version of
(c), and (e) two-stage fully differential OTA using (d) (Adapted from [5.54] ©IEEE 2005)



5.12  G,,-C Filters for Other Applications 569

d Voo (2.1\!")
M, My, Iﬂ' ""‘I'IIG 'QM” My
/% [ | 1 rlé\
I "le ‘I '%l I
L
A _|= in V‘:
Vo & |_|f | . o Vw

T ‘<
<t
j
.sv
)
ﬂ
e

i .
Viu °Vur
e
Veo (D3 V)

U E
A TN
| = ] | F— ]
R, %_l.: MR {}( Ry My Ry 2w

f ¢ € L8
v, Il L O
= Gy, 5 L
My, My M, {, E’__ I'll'n

Fig. 5.62 (continued)

Nauta’s transconductor shown in Fig. 5.65a has the advantage that there are no
internal nodes and hence the parasitic capacitances can be merged with the filter
capacitances. Note that Vp is not power supply but a voltage generated by a frequency
tuning loop. The common mode and differential mode gains are, respectively,

8m _ 8m

—_°om A = (5.38)
38m 1284 384

cm

Since A, is less than unity, there is no concern about common mode stability.
For very high frequency applications, short channel devices must be used leading to
low gain A,,. However, in such cases, supply voltage can be tuned to obtain G,,5 ~
8me — (a1 + as — as) to oObtain high A,.
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Fig. 5.63 (a) Error amplifier
for fixing the switching
threshold voltage to Vpp/2,
(b) circuit for biasing the
level shifting current source,
(c) circuit for generating body
bias of input NMOS devices
to set the common mode
voltage, and (d) Schmitt
trigger-based oscillator and
biasing technique to improve
the gain of the OTA (Adapted
from [5.54] ©IEEE 2005)
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5.13 G,,-C Filter Tuning Techniques

Durham et al. [5.1] and Durham et al. [5.2] have suggested a tuning scheme using a
dual-slope calibrator shown in Fig. 5.66a. The basic principle is to match the time
constant in the filter with a reference clock. As shown in the timing diagram in
Fig. 5.66b, capacitor C, is reset and during ¢, R and C, and the opamp work as an
integrator thus generating the negative voltage ramp waveform. At the end of ¢p
(2" clock cycles), the SC branch C; pumps charge into capacitor C,. When the
voltage V, reaches ground and the comparator changes state, the counter value is

a Ry
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Fig. 5.64 (a) 0.5 V tunable damped integrator, (b) three-stage low-voltage oscillator, and (c)
block diagram of the full chip (Adapted from [5.54] ©IEEE 2005)
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Fig. 5.64 (continued)

read indicating the number of clock pulses used to reach zero voltage. This value is

. . . . ON
fed to all the resistors in the filter. Evidently, 0V, = Vggr % and vk,c,_lem =
W ) 0

CiR "

Vemulapalli et al. [5.56] suggested a technique for tuning continuous-time filters
using time constant matched master—slave tuning combined with power-up mis-
match calibration. The system-level block diagram is shown in Fig. 5.67a which
combines the advantages of direct and indirect tuning methods. In the indirect
tuning method (e.g., master—slave technique), tuning is performed in the back-
ground without affecting normal filter operation. The PVT variations in the slave
filter are annulled by the PVT invariant master filter only in the ideal case.
However, mismatch between the master and slave filters limits the accuracy to
about 5%. Moreover, in low voltage designs, the room for tuning range is limited by
the threshold voltage of the My, ger (Mave) transistor (see Fig. 5.67b showing a SC
frequency control loop).

In the digitally programmable master—slave tuning circuit of Fig. 5.67c, the
master reference tunes the slave filter continuously to the required frequency. On
the other hand, the power-up direct tuning cancels the master—slave mismatch thus
resulting in a very accurately tuned filter. On power-up, a sine wave typically of the
3-dB frequency of the filter is applied to the slave filter. The master—slave mismatch
is measured by the output amplitude of the filter and correction is applied to the
slave filter. After this step, the filter is switched back to normal operation.

In Fig. 5.67c, aresistor R is used in series with a MOSFET in order to reduce the
contribution of the nonlinearity of the MOSFET. The tuning loop makes the sum of

Veer C 15 Thys, the tuning code is n =
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Fig. 5.65 (a) Nauta’s symmetric transconductor, (b) active LC resonator, (c) passive low-pass
filter prototype for the complex filter, and (d) passive prototype of the real band-pass filter
(Adapted from [5.55] ©IEEE 2002)
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PTé P Tk

Fig. 5.66 (a) Dual slope calibrator, and (b) timing diagram of the calibrator (Adapted from [5.2]
©IEEE 1992)

R and MOSFET resistance equal to the resistance of the SC. Note that capacitor C
is replaced by a 5-bit PCA. The calibration can take into care of a £10% mismatch
between the master and the slave.
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The sine wave source is synthesized using a digital state machine and a nonlinear
current-mode D/A converter (see Fig. 5.67d). There are only four current sources
used. The current-to-phase mapping is as shown in table in the inset of Fig. 5.67d.

a
Vi S Filter Yo
o 1 iave) I o
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\Tsz Ve 3
Sine Wave Fitter |_ 5, | Mismatch
Generator 1 (Master) | ° | Detector
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p W o T T
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Fig. 5.67 (a) Combined master—slave and power-up direct frequency tuning, (b) master—slave
tuning circuitry, (¢) digital programmable version of (¢), (d) digital synthesis of a sine wave using
array of current sources, () mismatch detection and correction scheme, (f) peak detector sche-
matic, and (g) differential difference comparator (Adapted from [5.56] ©IEEE 2005)
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Fig. 5.67 (continued)

The mismatch detection circuit is presented in Fig. 5.67e. The peak filter output is
detected by a peak detector and is compared with the reference peak voltage. The error
signal of the comparator is integrated by a counter and then used to drive the capacitor
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bank C,. The peak detector is shown in Fig. 5.67f. The output capacitors are charged to
V,, when the comparator determines V,, > V... As long as the input remains less than
Vpeak» the comparator output is low thus switching off the transmission gate (TG).
Once the input goes above V.., TG turns on and the new peak voltage is updated on
the capacitor. A differential difference comparator shown in Fig. 5.67g compares
Vieak+ = Vpeak-) With (Ve — Vo) and provides a 1-bit error signal.

Sumesaglam and Karsilayan [5.57] have described a digital approach for tuning
CT high Q filters. The authors use the phase response of a second-order block rather
than magnitude for tuning so that the Q-tuning and center frequency tuning are
independent of gain. This technique is based on the observation that at w, and oy,
the phase of the band-pass output is —45° and —135°. For digital implementation,
the measurement frequencies w, and w,, are discretized as (N — 1)w; and (N + 1)w;
where N is an integer and the center frequency is Nw,. The frequency w; can be
obtained from a reference frequency wg such that w; = wg/M. The parasitic poles
exist, however, in second-order filters due to various parasitic capacitances, output
resistances of transconductors, and the excess phase of the g,s. Denoting the
nonideal transfer function as H'(s);p, we have

|H'(joo)|,p = 2(R(w) +jl()) (5.39)

Hence, [¢'((N — 1) ;)| = —45° and |¢'((N + 1) ;)| = —135° need to be solved

where ¢ = tan™! (12((‘(‘;))) It is also possible to choose the tuning frequencies taking

into account the estimated value of the parasitic pole position for high-frequency
filters. The tuning frequencies will then be N w; and Nyw;.

The complete tuning system based on the above principles is shown in
Fig. 5.68a. If O, and w,,, are the desired pole-Q and pole-frequency, then we have

N=20Q,, M=2Q,

i (5.40)
O

Wod

Note that the input frequency of the filter is switched between (N — 1)wg/M and
(N + 1)wg/M using the MUX control. The signals V45 and V35 are delayed clocks
whereas V,, is a clock signal without delay. V and V, are the control voltages for
changing the frequency and Q, respectively.

The filter is calibrated when the “Tune” signal is high. Normal operation is
resumed when the “Tune” signal is low. The two reference frequencies w; and
), are changed periodically. When o, is applied, the phase of the low-pass output is
compared with —45°. The phase detection is carried out using a D flip-flop (see
Fig. 5.68b). The low-pass output is given to clock input and reference is applied to
the D input. If the delay is more than 45°, the flip-flop stores high. The output of the
flip-flop updates the U/D counter when the Tune signal is high. Note that V and V,
do not change simultaneously. The DAC is needed only in the case of analog tuning
being used for tuning the filter.
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Fig. 5.68 (a) Complete tuning system, and (b) timing circuit (Adapted from [5.57] ©IEEE 2003)

5.14 SC Filters Using Comparators

Comparator-based SC (CBSC) circuits have been proposed for scaled CMOS
technologies [5.58]. In these, a comparator and current source replace the opamp.
The circuits using opamps can thus be easily adapted to realize CBSC circuits. In an
opamp circuit, the opamp forces a virtual ground whereas in CBSC circuits, a
comparator detects the virtual ground during the charge transfer process and triggers
sampling. The operation of a CSBC amplifier is considered next to illustrate these
ideas. The operation of this circuit is in three phases. In a small duration preset phase
1, as shown in Fig. 5.69a, by connecting the capacitor C, to ground using switch P,
the voltage V, goes to V,,,, a voltage below V... In the coarse charge transfer phase E,
the circuit is as shown in Fig. 5.69b. This phase is used to get a rough estimate of the
output voltage. Due to the finite delay of the comparator and high output ramp rate,
the output will overshoot the final value V,. The comparator output switches the



5.14  SC Filters Using Comparators 579

P
'

Vou

l_hi L +Vo- Vo[::;]-i
v = |
M

:
I
' I
(I | I
v Vesdadta b o e e pe = =
o S lou A ---r

Veu t

it s

c| Vo E

=2 ¥y volnld-t-t
vu.l_c" _C\”~I "f:: w '
s ‘:? t;dlhzh

Vew

Vou

Fig. 5.69 CBSC amplifier: (a) preset phase configuration, (b) coarse charge transfer phase
configuration (E1), (c) fine transfer phase configuration (E2), (d) overshoot cancellation technique
with waveforms, (e) a two-stage 1.5-bit/stage CBSC pipe-lined ADC, and (f) threshold detection
comparator preceded by band-limiting preamplifier (Adapted from [5.58] 2006)
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current source /; in this phase. In the fine transfer phase, E, (see Fig. 5.69c), the current
sink 7, is switched on. Note that I, < ;. When the output of the comparator reaches
the threshold crossing, I, is switched off after the sampling switch S opens. The output
V, will be the desired value. Note that the fine transfer time is large. The coarse
transfer phase uses a large current to charge the output capacitance. The overshoot
value can be reduced by having a modified circuit as shown in Fig. 5.69d. Note that
the voltage V. is a reference voltage that is lower than V... The overshoot and voltage
drop across the switches cause nonlinearity and can create offset. It can be shown
that the noise of the CBSC circuit is dominated by the threshold detection comparator.
The input referred noise can be reduced by using a band-limited preamplifier.
Florenza et al. [5.58] have described a 1.5-bit/stage CBSC pipeline ADC com-
prising two stages as shown in Fig. 5.69e. The threshold detection amplifier is

| T

X
o B

ﬂ‘
+— H
K 7 1 kil

Fig. 5.70 (a) Fully differential second-order £-A modulator, (b) preamplifier of the threshold
detection comparator, and (c) ramp generator with a CMFB circuit (Adapted from [5.59] ©IEEE
2009)
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shown in Fig. 5.69f where several low swing gain stages are employed following
a bandlimiting preamplifier. The bandlimiting amplifier output is limited by
two diode-connected transistors for faster recovery. The last gain stage drives two
level converters whose output is buffered using CMOS inverters.

Huang and Liu [5.59] realized the preamplifier as shown in Fig. 5.70b using a
self-biased differential amplifier [5.60]. It consists of a replica input stage M —M 4 to
serve as the self-biased CMFB circuit. The ramp generator is shown in Fig. 5.70c.
Note that /; and /5 are coarse current sources and /, and I, are fine current sources.
The pull-up current sources are fixed whereas the pull-down current sources are
controlled by the CMFB circuit. The CMFB circuit adjusts the pull-down current
sources to match the pull-up ones. In Phase P, the charges on capacitors C; and C,
are reset. These capacitors sense the differential outputs Vgop and Vy. If the two
fine or coarse current sources have different magnitudes, the difference between
Voave and V¢, is amplified by Acvrp to adjust the current sources. The effective
open loop gain of the CMFB circuit is CzR,/(ft;) where f is the feedback factor
where Cr is the total capacitance at the output of the stage, R, is the output resistance
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of the current source, tp is the delay of the threshold detection comparator. The large
R, is obtained by using cascode devices.

White et al. [5.61] studied the errors in CBSC-based biquads. They note that the
average overshoot voltage produces offset voltage. The comparator delay varies with
the ramp rate. The total variation in overshoot voltage is dominated by the finite output
resistance of the charging current sources. For high sampling frequencies, the magnitude
and phase errors are approximately ¢p/RC, where ¢ is comparator delay. The CBSC
errors are equivalent to those of SC integrators when A = (RC/tp) (1/f). The reader
is referred to [5.61] for a detailed analysis of the CBSC-based integrators and biquads.

5.15 Sigma-Delta Modulators

A pseudo differential version of the inverter-based SC integrator [5.62] is shown in
Fig. 5.71 which circumvents the need for a CMFB circuit. This does not limit the
output swing of the integrator. Note that CMFB capacitors CM are discharged to
ground during ¢, and form a CM detector in ;. The difference between the CMFB
detector output and signal ground is fed to the integrator. The CMFB loop gain is
Cuy/C;. The capacitor Cy; does not load the A-X modulator. The circuit is immune to
offset mismatch as well.

When Vpp = Vp, + Vi, the power settling time product (product of average
power consumption per switching event and setting time) is optimal. During ¢, and
(2, the devices M| and M, go through weak and strong inversion regions.
The operation in class C is preferred over class AB since the slew rate, power
efficiency, and the common mode input range are superior and the circuit needs low

iy
E e el RO w
Ve D—-o-’.o—§—)c‘ / |——D00—D Vor

{2 Vou

Fig. 5.71 Psudo-differential inveter based SC integrator (Adapted from [5.62] ©IEEE 2009)
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Fig. 5.72 Sigma-delta modulators using inverters: (a) modulator I (b) modulator II, (¢) modulator
III, and (d) schematic of the quantizer (Adapted from [5.62] ©IEEE 2009)

supply voltages. The thermal noise of such integrators is lower than SC integrators
using OTA.

Chae and Han [5.62] described three sigma-delta modulators shown in Fig. 5.72a—c
using inverter-based integrators. The quantizer is shown in Fig. 5.72d. The first
2-A modulator (see Fig. 5.72a) is 1-bit second-order and uses single loop. The
second Z-A modulator (see Fig. 5.72b) is third-order single loop and uses class AB
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operation for the inverters (Vy,, + V5, < Vpp). The third using feedforward topology
is a third-order sigma-delta modulator and uses pseudo differential configuration.
The reader is referred to [5.62] for more design information.

Pavan and Sankar [5.63] described a third-order CT X-A modulator using the
architecture of Fig. 5.73a. The objective was to achieve low distortion and low
power consumption. The X-A modulator uses an active filter using CIFF (cascade of
integrators with feedforward). It has a direct path to the input of the comparator via
Rp. A 1-bit A/D converter is employed. The DAC is realized using the SCR
technique as shown in Fig. 5.73c. The first integrator with the DAC output summa-
tion is shown in Fig. 5.73b. Note that in the ¢, phase, the capacitor is charged to the
input and in the ¢ phase, an exponentially decaying pulse is produced as shown in
Fig. 5.73d with a time constant defined by Cp and Rp. The Rp used was 18 KQ and
the switches have resistance of 4.5 KQ and Cp = 1.1 pF. The first integrator uses
the assisted-opamp technique in order to have adequate linearity and reduced power
dissipation. As explained before, the virtual ground is created by the feedback of the
assistant current as described earlier in Sect. 5.5 (see Fig. 5.17). The noise
introduced by the DAC due to clock jitter is proportional to the discharging current

I = (‘;—Df) ¢~ where T = CpRp and can be reduced by choosing a small 1 but it

increases the peak current thereby imposing more stringent conditions on the
linearity of the integrator. The large value of resistor R, is needed to realize the
notch frequency and is realized by the T network (using R,, R,;, and R,,; see
Fig. 5.73a). The opamp shown in Fig. 5.73e is feedforward compensated with
p channel input devices to reduce noise. M5 and Mg provide CM feedback for the
first stage. M1—M, have a long channel to reduce the input referred noise. The
CMEB is realized using transistors to detect the common mode voltage. This is
better than using resistors which will degrade the gain of the amplifier and further-
more, it saves area. The second stage of the opamp is formed by transistors M;—M ¢
which uses a local CMFB using a resistor-based CM detector.

The comparator used together with the waveforms is shown in Fig. 5.73f. When
LC is high, the inverters formed by M, M,, M3, and M, are disabled and the
differential input is sampled on nodes X and Y. After LC falls, the regeneration
begins when L goes high. The decision of the latch is sampled by two clocked
CMOS inverters. The assistant transconductor is a class AB design consisting of
complimentary common gate stages M, and M (see Fig. 5.37g).

The exponentially decaying pulse generator [5.64] needed for the assistant DAC
is shown in Fig. 5.73h. During @, the capacitor is charged t0 Vg, In @5, it is
discharged to V,,, = Vr, through a resistor R. The gate voltage of M, is an
exponentially decaying pulse with a time constant 1 = RC.

Chae et al. [5.65] described a Z-A architecture for a 2.1-M pixel, 120-frames/s
CMOS image sensor. The architecture is presented in Fig. 5.74a. The image sensor
consists of a pixel array, column-parallel Z-A ADCs, buffer memory, scanning
circuits, and bias circuits. The pixel output is fed to a X-A ADC for conversion
with correlated double sampling for offset cancellation. The 2-A ADC is followed
by a digital decimation filter. The 14-bit output of the decimation filter is transferred
to a buffer memory.
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The two-loop sigma-delta modulator uses a scheme of Fig. 5.74b and its SC
implementation is shown in Fig. 5.74c using inverters in place of opamps to
conserve power and area as described earlier. This uses the well-known offset
compensation techniques described in Chap. 4. The offset is sampled on C¢ and
C with input connected in Phase @4, and in @, the charge on Cg is transferred to C;
and the offset is cancelled by subtraction of the offset stored on C¢ in &,. This
technique reduces the noise of the inverter as well. The input capacitor of the first
integrator in the X-A modulator is split in two: one for connecting the input and
another to provide a dc offset to compensate the dc offset of the pixel whichis 2 V.
Before every conversion cycle, the £-A modulator capacitors are reset (discharged)
and then the conversion starts.

The decimation filter is made up of a second-order cascaded integrator
(see Fig. 5.74d). The input Vp;,, is constant. Thus that fact can be taken into
account in simplifying the design of the decimator. It can be shown that the output
of the decimator can be expressed as

Y(z) !

D) = A T o

5X(z) + E(z) (5.41a)

Since x is constant, it follows that

D(out(n))) = ”(%“) +E(n) (5.41b)

After n clock cycles, in order for the quantization error to be less than half LSB, the
required number of cycles of the incremental Z-A converter can be computed. For a
12-bit resolution, 95 clock cycles are required. Due to the possible inaccuracy of
integrator coefficients, the authors use 110 clock cycles. Note that in the cascaded
integrator shown in Fig. 5.74d, the first block is a simple counter since the input is 1
bit. The second stage, however, is an accumulator. The offset cancellation is
achieved by a simple modification of the circuit of Fig. 5.74d as shown in
Fig. 5.74e wherein two steps are needed. In the first step, with zero input, after
resetting the register, D,,,,; is computed by operating the £-A converter for 110 clock
cycles. This value is saved in the register and in the second actual conversion takes
place with input Dg;; present for another 110 cycles.
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The IC fabricated in a 0.13 pm process caters for a pixel array of 12.1 M pixels
with each pixel size of 2.25 pm X 2.25 pm. The rows and columns are
1,696 x 1,212. The FOM used for such devices which represents energy efficiency
of an image sensor is

Power.noise
FOM = 10° (e nj 5.42
f#of pixels.Framerate (e”nj) ( )

For the proposed converter, it is 1.70.

A fifth-order CT sigma-delta modulator using single-opamp resonators has been
presented by Matsukawa et al. [5.66]. The architecture of this chip is shown in
Fig. 5.75a. It uses a 3-bit quantizer (flash ADC). Two second-order filters and one
first-order filter are used. The use of SAB for the resonator reduces the power
consumption and area. The single opamp resonator is derived from a twin-T based
active RC filter systematically so that the numerator can be of universal type with
each coefficient controllable independently. The X-A converter also uses a
feedforward path. In order to increase the speed, the current summation is done at
the virtual ground of the first-order filter.

The ringing relaxation filter shown in Fig. 5.75b suppresses the ringing of the
integrator due to the phase compensation resistor. Note that the ringing relaxation
filter is basically an integrator with compensation using series resistor R,. The
addition of current steering DAC causes ringing, which is suppressed by splitting
the integrator capacitor into two C, and C;, to bypass the high-frequency
components.

The opamp used in this design is presented in Fig. 5.75¢c which is a single-stage
telescopic configuration and includes CMFB. The excess loop delay of the Z-A
modulator is compensated using a second feedback path using DAC2. The opamp-
less adder is elaborated in Fig. 5.75d which sums three signals with attenuation. The
adder also is passive-type in order to avoid problems of finite opamp bandwidth in
the case of an active adder.

5.16 LC Filters

Vallese et al. [5.67] described the design of an integrated notch filter for rejection of
interference in UWB systems. The ultra wide-band communication is used for short
range communication at data rates up to 480 Mb/s using multi-band OFDM format.
The frequency band 3.1-10.6 GHz is divided into fourteen 528-MHz wide bands.
These are grouped into four groups. Three groups contain three bands each whereas
the last group contains two bands. There are several other systems such as wireless
LANSs in the 5-6-GHz band. In this case, the second band group is dropped. On the
other hand, Bluetooth and IEEE 802.11b/g systems operate in the 2.4-2.5 GHz
band. WiMAX operates in the 2.5-2.9 GHz, 3.4-3.6 GHz, and 5.2-5.9 GHz bands.
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Fig. 5.75 (a) Schematic of fifth-order CT X-A ADC, (b) integrators with compensation resistor,
(c) single-stage telescopic opamp with continuous-time CMFB, and (d) opamp-less resistor adder
(Adapted from [5.66] ©IEEE 2010)
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Cell phones utilize the 0.9—1.9 GHz frequency band. Thus, all these other systems
are “blockers” for UWB systems. Interference from other bands can cause suppres-
sion of receiver gain and also intermodulation products due to other systems may
fall in the UWB band. The hardest blockers are from WiMAX in the 3.6-3.9 GHz
and those in the 5-6 GHz band. Vallese et al. [5.67] consider operation in the
3.1-4.8-GHz band (also denoted as Model). They have implemented the architec-
ture of Fig. 5.76a shown comprising LNA, a notch filter, and a buffer in the first
version. The second version comprises a double-balanced mixer and additional
buffers. The basic circuit of the LC notch filter is shown in Fig. 5.76b and the
equivalent circuit is shown in Fig. 5.76c. The basic notch filter configuration is
based on series resonance of a reactive network working in the current mode. At the
notch frequency, the drain current of the transistor is diverted away from the signal
path so that a notch appears in the current transfer function. The capacitance C, is
due to parasitics. The circuit exhibits parallel resonance at a frequency higher than
the notch frequency (see Fig. 5.76d). Thus the rolloff of the notch is steeper at the
high-frequency side. An alternative topology shown in Fig. 5.76e has two series
resonances and thus introduces an additional notch at a higher frequency and makes
it possible to realize a flatter pass-band (see Fig. 5.76f). In the presence of parasitic
resistances of the inductors (see Fig. 5.76g), the response deteriorates to that shown
in Fig. 5.76h. The parasitic resistances can be compensated by using a negative
resistance Ry (see Fig. 5.76g). The value of Ry is chosen to compensate the loss at
the higher notch frequency. The authors describe a detailed optimization procedure
for choosing the values of inductors, capacitors, and negative resistance so as to
minimize the power dissipation and area as well.

Since the blocker frequency may not be at a fixed frequency, a tuning procedure
will be required for which varactors can be used as shown in the complete circuit in
Fig. 5.76i1 in which case continuous tuning can be done. Alternatively, programma-
ble capacitor arrays can be used. In the latter case, discrete tuning steps are required.
The tuning for the desired frequency band can be carried out by measuring the V. /I,
through the received signal strength indicator (RSSI) since V,/Ij, is a band-pass
transfer function and can be set to maximum by tuning the capacitor array. This
guarantees that notch is realized at the blocker frequency. Note that changing C,
also necessitates changing Ry. In order to facilitate this, the authors suggest a
calibration procedure wherein the circuit can be configured as an oscillator as
shown in Fig. 5.76j. The complete notch filter circuit in both cases is presented in
Fig. 5.761, j wherein a fully differential structure is used. Note that tightly coupled
coils are used to realize the inductance L; whereas a symmetric coil is used to
realize the inductance L,. Note that the cross-coupled transistors M5 and M realize
a negative resistance. The switches A are used to ground the input when the filter is
turned off to avoid spurious resonances. In the second configuration shown in
Fig. 5.76j, the switches are connected to Vpp. The switches Sg and capacitors Cg
(which are a replica of C ) are used for calibration by connecting the circuit as an
oscillator. The resulting binary words controlling the capacitor array are stored for
later use when configured as a notch filter for the chosen blocker frequency.
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Fig. 5.76 (a) Block diagram of a UWB receiver, (b) schematic of a notch filter, (c) equivalent of
(b), (d) frequency response of (c), (e) double-inductor notch filter, (f) frequency response of (e),
(g) nonidealities in (e), (h) frequency response of circuit in (e), (i) schematic of notch filter
version 1, and (j) version 2 (Adapted from [5.67] ©IEEE 2009)
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Pirola et al. [5.68] extended the in-band noise shaping approach of Tekin et al.
[5.15] discussed earlier to realize a WCDMA channel filter for current mode
applications. They denote such filters as PIPE filters which pass signal in the
pass-band and noise in the stop band. In the pass-band, the output current equals
the input current whereas in the stop-band both noise and distortion components
enter the pipe and reach the output. A first-order pipe filter is conceptually
illustrated in Fig. 5.77a. It can be noted that the input current /;, leaves through
the drain of the transistor whereas the noise of the MOS transistor is high-pass
filtered at the /,,,, terminal as shown in the frequency response of signal and noise in
Fig. 5.77a. At low frequencies, when the capacitor is an open circuit, the noise
current of the transistor is forced to recirculate whereas at high frequencies, it
reaches the output. The noise output can be expressed as

2

. (—) 4KT 1
Noise,, (w) = 4kTy G, 7 5+ G 1;)2 5
EeNCLe

(UI, (UI,

(5.43)

Note that the second term is due to the source resistance and is not high-pass
filtered.

The circuit can be extended to realize a second-order filter by using the configu-
ration of Fig. 5.77b. The realized second-order transfer function is given by

&
lw_ GG (5.44)

Iin @2 1q8m 4 %
" § +SC1+C1C2

where g,, is the transconductance of M; and M,. Note that the Q depends on the
ratio of capacitors. The transistor M, inverter of gain —1 and C, realize an active
inductor. The total noise due to the bias current sources and due to transistor M; and
M, is shown in Fig. 5.77c. Note that the flicker noise is present at low frequencies.
The noise of the bias generator also is important. Beyond the filter cut-off fre-
quency, the noise of M, and upper current bias generator remain unfiltered. A
fourth-order fully differential filter for WCDMA applications is shown in
Fig. 5.77d. The cutoff frequency chosen was 2.8 MHz which is 1.45 times the
channel bandwidth of 1.92 MHz. The blockers occur at 10 MHz and 20 MHz.

Dhanasekharan et al. [5.69] have described a fifth-order active-LC-Butterworth-
type equalizing filter. The concept of the series resonator-based prototype is
illustrated in Fig. 5.78a whose transistor implementation is as shown in Fig. 5.78b.
The resistance R, in Fig. 5.78a can be realized by the transistor M. Note that M also
helps to tap out the band-pass current output. The equalizer based on the Fig. 5.78b
is presented in Fig. 5.78c whose transfer function can be derived as

Vin (SC + Gmg)

L(s) = — o3 T 7m2) 5.45
(s) s2LC +s%+ 1 ( )
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Note that the additional transistor M, realizes the second term creating a real
zero thus causing an increase in gain at the rate of 6 dB/octave at high frequencies.
The equalizing zero needs to be placed two octaves ahead of the resonant frequency
to achieve a 12-dB equalization gain. This means that G,,,/C = »,/4 where

W, = \/%_c . The equalization gain can be programmed by scaling the band-pass

current. Ry and C, represent the //V converter and load capacitor. These introduce a
parasitic pole.

Fig. 5.77 (a) First-order LP pipe filter, (b) current biquad cell, (c) output noise of the biquad of
(b), and (d) schematic of fourth-order filter (Adapted from [5.68] ©IEEE 2010)
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Fig. 5.77 (continued)

A fifth-order fully differential Butterworth filter realized using the biquad of
Fig. 5.78c is presented in Fig. 5.78e¢ which shows a single-ended version. For
programmability of equalization gain, the current attenuators A; and A, are used
which are controlled using V. The equalizer section is elaborated in Fig. 5.78d.
The real pole of the first section is pushed to high frequency using the negative
capacitor —C),,. The realized fifth-order filter transfer function is given as

H(s) =
(sC14+Gum2)(sCa+Gma)
(s2 LiC+sE + 1) (s2 Coly +5 &2 + 1)(1 +5(C3— Co)R)(1 +5Ca Ry)
(5.46)

Note that for balanced implementation, the capacitor C is shared by both arms.

Frequency tuning can be performed by varactors using the voltage V.. The
attenuators A; and A, are realized using a Gilbert cell formed by transistors M,
(see Fig. 5.78d). The current sources Ig are controlled by a CMFB loop shown in
Fig.5.78g. A CMFB bandwidth of 2.2 GHz is realized. The common mode voltage is
sensed by R, and C,4. Note that additional common mode load resistance is also used
to realize a low-frequency pole-zero pair. The error amplifier shown in Fig. 5.78h
features high gain and the resistors R5 and capacitor Cs introduce a zero to cancel the
pole of the split frequency current source formed by M,s and M’ 5. Note that the dc
transconductance of the current source is decided by M5 and M’|s whereas
high-frequency behavior is decided by M5 alone. Combination of two paths through
M5 and M’ 5 results in a pole zero pair in the transconductance of I,.
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Equalizer section 2

Fig. 5.78 (a) Series resonator prototype, (b) transistor implementation of (a), (c) series resonator
LC-based equalizer section, (d) schematic of single-ended fifth-order Butterworth filter based on
(c), (e) fully differential implementation of (c), (f) negative capacitance emulation circuit, (g)
CMFB loop, and (h) error amplifier and split frequency current source (Adapted from [5.69]
©IEEE 2007)
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Fig. 5.78 (continued)

The differential pair M, realizes the low-pass path that is ac coupled to the
resonator (see Fig. 5.78d). The ac coupling network is formed by C,c and PD
(pull-down resistor circuit; see inset of Fig. 5.78d) to realize a cutoff frequency of

<100 KHz. The negative capacitance circuit is presented in Fig. 5.78f. The input

admittance of this circuit can be found approximately as — % which will
n m5

behave like a negative capacitance for frequencies less than ., = %—’"
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5.17 Evaluation of CT Filters

CT filters can be compared using a figure of merit (FOM) [5.21, 5.70] defined as

Fom — PN (5.47)
f.(SFDR.N*73)

where P is the power consumption of the filter, N is the number of poles and zeroes,
f is the cutoff frequency, and SFDR.N*? is the normalized spurious-free dynamic
range with SFDR defined as

2/3
i 3) (5.482)

SFDR = (=2
(PN

where Py is the input referred noise power. In the case of SFDR in decibels, which
is not given by the respective authors, it can be derived from /;p; and noise data
using the formula

2
SFDRp = 5(11P3,dbv — PoisedbV ) (5.48b)

where P,,,;s. is RMS noise. The two-tone SFDR is the ratio of the input power to the
power of the intermodulation products when the latter is equal to the noise power of
the filter.

Note that some authors [5.7] have included area as well in the numerator of FOM
expression in (5.47).

In Table 5.7 a comparison of several continuous-time filters [5.7, 5.9, 5.19, 5.21,
5.22,5.25,5.70,5.71] and [5.72] is presented together with the intended application
and various other aspects including FOM.

5.18 Problems

P.5.1. Derive the transfer function of the biquadratic cell of Fig. 5.23b taking into
account g, of all the transistors and evaluate the sensitivity of pole-Q, gain,
and pole-frequency to these nonidealities [5.22].

P.5.2. Derive the small signal equivalent circuit of the biquad of Fig. 5.22b
considering the half circuit. Derive expressions for pole-frequency, pole-
0, and gain [5.21].

P.5.3. Compare using SPICE the two G,,-C filter configurations to show that the
input voltage of the circuit of Fig. 5.51b is smaller than that of Fig. 5.51a
[5.45].
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Fig. P.5.12

P.5.4.

P.5.5.
P.5.6.

P.5.7.

P.5.8.

P.5.9.

P.5.10.

P.5.11.

P.5.12.

P.5.13.

P.5.14.

Derive the transfer function of the seventh-order filter of Fig. 5.37c. Dem-
onstrate ways of removing the floating capacitance. Analyze the effect of
parasitic capacitances of the floating and grounded capacitors and output
resistances of the OTAs [5.36].

Discuss the stability of the fourth-order G,,-C filters of Fig. 5.50a, b [5.44].
Derive the transfer function of the lossy ladder filter of Fig. 5.21b, c.
Analyze the effect of parasitic capacitances. Find the effective Q-factors
of each stage [5.20].

Derive the transfer function of the current-mode biquad cell of Fig. 5.77b.
Evaluate the noise at the output due to noise sources of M, M, and bias
current sources [5.68].

Derive the transfer functions of the single- and double-inductor notch filters
of Fig. 5.76c, e. Discuss techniques for optimization to reduce power
consumption in the presence of losses, using the negative resistance Ry
[5.67].

Derive expressions for the noise of LPF and BPF outputs for the circuit
of Fig. P.6.9 in terms of the input referred noise V,,,. Derive similar
expressions for the G,-C biquad equalizer of Fig. 5.78c. Derive
expressions for power dissipation for both cases [5.69].

Consider the opamp-based lossy integrator. Taking into account the finite
bandwidth of the amplifier, realize an equivalent circuit using an ideal
opamp and discuss techniques for compensation of the effect of finite
bandwidth [5.9].

Evaluate the dominant pole-frequency for various PRAs of Fig. 5.7a, b
considering the effect of distributed capacitance and its variation with the
code word used [5.9].

Evaluate the input resistances of the current amplifiers of Fig. P.5.12a, b in
terms of various G,,; values [5.5].

Derive the transfer function of the current mode Sallen—Key filter of
Fig. 5.4c taking into account the nonzero input resistance of the current
amplifier [5.5].

Study the effect of mismatch between the two halves in the complex
bandpass filter of Fig. 5.3c [5.4].
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Fig. P.5.24 Capacitively Coupled Current
Conveyor (CH) < i

P.5.15.

P.5.16.

P.5.17.

P.5.18.

P.5.19.

P.5.20.

P.5.21.
P.5.22.
P.5.23.

P.5.24.

P.5.25.

M |- vy, ) \

Analyze the Sallen—Key filter noise using a unity gain amplifier and noise
of the FDNR-based filter of Fig. 5.14b. Evaluate the results [5.15].
Evaluate the integrated inband noise of the third-order Sallen—Key
Butterworth filter, third-order leap-frog ladder filter, third-order multiple
feedback filter first-order RC passive filter followed by Tow-Thomas
biquad in terms of the capacitance. Consider only the noise contribution
of resistors [5.15].

Derive the transfer function of the instrumentation topology of the ADFNR
circuit shown in Fig. 5.14c. Derive the noise shaping property and compare
that with the FDNR-based circuit of Fig. 5.14b [5.15].

Analyze the effect of parasitic resistance across the capacitor in the active-
G,,-RC filter of Fig. 5.25a. Analyze the effect of the second pole of the
amplifier [5.24].

Derive expressions for quantization errors in the four types of arrays shown
in Fig. 5.1. Consider the fixed component as C,y;, or R, and consider R
or 0C as the step size. The variation desired is 50% of the nominal value.
Consider an n-bit programmable array [5.1].

Derive the various transfer functions of the three HPF structures of
Fig. 5.11c and obtain the design equations for various resistors. Evaluate
the noise performance of the three structures [5.12].

Evaluate the error of the resistor array of Fig. 5.5d [5.7].

Evaluate the input impedance of the negative capacitance block of
Fig. 5.78f [5.69].

Analyze the effect of input capacitance of the OTA on the OTA-C filter of
Fig. 5.52a [5.46].

Derive the transfer function of a second-order band-pass filter realized
using floating gate MOS device Mp. This technique (shown in
Fig. P.5.24) is known as C* (capacitively coupled current conveyor) since
the input signal is capacitively coupled [5.73].

Derive the transfer function of the OTA-C filter using a nonlinear transcon-
ductance G, shown in Fig. P.5.25. This will be useful for realizing an
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Fig. P.5.25

Fig. P.5.28

P.5.26.

P.5.27.

P.5.28.

P.5.29.

adaptive Q in hearing aids. Note that the Q reduces with increasing input
amplitude [5.74].

Evaluate the effective Q of the integrator realized using Nauta’s OTA (see
Fig. 5.65a) considering NQS (nonquasi-static) phenomena in the
transistors. Under this condition, the G,,, g4, and C,, are affected by the
time constants 7, and 7, as follows:

Em _ 8as 7Cgs N Cgs (1 + STZ)
1+ s10 14+s11

Analyze the error amplifier of Fig. 5.41d in the CMFB loop. Evaluate its
zeroes and poles and determine the bandwidth of the CMFB loop [5.41].
Analyze the effect of frequency-dependent G,, on the OTA-C filter of
Fig. P.5.28. Determine the phase of the low-pass response and frequency
at which phase is —45° and —135°. Discuss the choice of N to enable
precise tuning of pole frequency and pole Q in the presence of nonideal G,,
[5.57].

Determine the improvement in the third-order intermodulation distortion in
the differential amplifier with linearity enhancement shown in Fig. 5.59a.
Consider that v, is a odd function of v;, given as v,es = C; vi, +C> v?n
[5.51].
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Fig. P.5.31

P.5.30. Derive the transfer function of the single opamp resonator of Fig. 5.75a.
Discuss its utility as a general biquad [5.66].

P.5.31. Derive an expression for IM3 for the first-order nonlinear circuit of
Fig. P.5.31 assuming that the closed-loop output voltage can be expressed as

3
Vo = b1 Vi +b3 v;,

P.5.32. Considering a two-pole model for the opamp, determine the condition for
stability of Tow-Thomas active RC biquad in terms of % and EZ—; This can

be estimated using “minimum acceptable phase margin” for the opamp
defined as

B
PM =90° —tan~' —
w2
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Appendix A

The peak magnitude of a second-order transfer function is of importance in the
scaling of the internal node voltage in a biquad realized using several active devices
such as opamps or operational transconductance amplifiers. Closed-form solutions
in terms of the coefficients of the numerator and denominator of the second-order
transfer function will be beneficial in computer-aided design programs. Table A.1
gives these in the case of both analog and digital transfer functions.

The second-order digital transfer function considered is

_pz2 —qz+r

H(z) 5 (A.1)

ze—uz +v

Using bilinear transformation and considering without loss of generality T = 2,
we have

l4+u+v l4+u+v 14+u+v

<1WH">S2+S2(1?—") pP—q+r
H(s) =

A2

,, 2(0=v) 1—u+v (A-2)
sc+ 5

I+u+v 14u+v

or

as*+ bs+c¢
Hs)=——— A3
(5) s24+ds+e (A3)

The peak or valley of (A.3) can be found by equating the squared magnitude
|H(jo)|* with K. The resulting quadratic equation in ®” will have equal roots in
the case where the solution corresponds to a peak or valley. This yields the
relationship:

K* (d* —ded®) + K* (4b% ¢ — 8ace — 217 d® +dacd® +4* +4d* &) + (b* —4b%ac) =0
(A4)
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Table A.1 (Adapted from [A.1] © IEEE 1983)

Appendix A

Type of transfer function

Magnitude of the peak

Band-pass (bilinear)
a=c=0

Low-pass (bilinear)

p—r
1—v
pP—qg+r)(d+u+v)

2(1 —v)Vav — u?

a=b=0
1- )
3 High-pass (bilinear) P+qg+nr1—u+v)
b=c=0 2(1—v)Vav — i
4 Notch b = 0 Wacd + 2+ @ & —2ace
dVae — &
5 All—pass u= ]1 and v = IB r
- 2 —4,
6 General biquadratic function y+27y\/————;z
X

The quadratic equation in K? can be solved to obtain the peak and/or valley
values of K. For special cases such as a band-pass transfer function, for example,
a = ¢ = 0, simple cases, the expression will be much simpler. Since the design of
digital filters based on a bilinear s — z transformation starts with an analog prototype
transfer function, (A.4) can be used directly to obtain K in terms of a, b, ¢, d, and e.
In other cases, formulae in Table A.1 will be useful. Note that we have defined

x=d*—ded® y =4b*e — 8ace — 2b* d* +4acd* +4 P +4a* &,z = b* —4b*ac
in entry 6 in Table A.1.

Note also that from (A.1) directly, the peak or valley value can be found without
using bilinear transformation. In this approach, z = ¢/*7 is substituted to obtain first

the relationship

a, cos? wT — b, coswT + ¢,

K* = (A.5)
cos? wT — d, coswT + e,
_pr _ (e . _ 1)+ _ (I+vu _ 1=+
where a, = Tabo =73, 1Co = 4y ydo = 5y 160 = .

From (A.5), the peak or valley can be found by following a similar approach as
described in the case of (A.3), from the equation

K*(d>—de,) +K* (4c,+4a, e, —2b, d,) + (b2 —4a, c,) =0 (A.6)
Laakso has pointed out that in both approaches described above, K is real. In the

case where K is not real, the value of the transfer function at dc and infinite
frequencies needs to be found and the higher among them is the maximum
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magnitude. These are from (A.5) (at cos(wT) =1 and cos(owT) = —1),
respectively,

ao*bo“i’co and Kz_ao+b0+cn

Kr=20 070 =
1—-d,+e, 1+d,+e,
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Appendix B

The realized transfer function is affected by the nonideal passive and active
components. The variation in the transfer function due to variations in pole-
frequency and pole-Q can first be evaluated. These yield topology-independent
expressions or curves. The variation in pole-frequency and pole-Q due to the active
and passive components in the chosen topology is topology-dependent and can be
estimated easily. Substituting the latter in the former expressions gives the total
variation in the transfer function. Considering H(s) as the desired biquadratic
transfer function

1 1
H(s) = = B.1
(5) D(s) s24 vw” + o2 &0
we can obtain
2
4 2(1 —y?) + L
SOl — T % (B.2)
(1—7%) +Q—Ig
and
«/‘2
glHOW) _ g
=|— B.3)
Qp a2 2 ﬁ (
where y =-% . It can be seen from (B.2) and (B.3) that both sensitivities are

functions of y and hence universal curves as functions of y are of interest. These
are presented in Fig. B.1a, b [B.1]. It may be noted that S}, ‘H I reaches a maximum
of about Q, at the 3-dB frequencies y =1 & ? whereas the maximum value of

Slg(’“)l is unity. The ratio of S0 to S‘HW)| i
» p
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Fig. B.1 Universal curves showing sensitivity of transfer function to pole-frequency (a) and pole-
Q (b) with pole-Q as a parameter (Adapted from [B.1] © IEEE 1973)
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SlHGw) "
)

P

At the 3-dB frequencies, this ratio is 2Q,,. This is an important result showing
that the magnitude of sensitivities to pole-frequency must be kept less than 20,
times the magnitude of sensitivities to pole-Q.

It can next be observed that the percentage variation in the transfer function can
be expressed as

AlH| _ skl Aoy g AY (B.5)
|H| rowp v 0,
We next note that
A(L)p k w AC, ! w AR,
= S — Syl —— B.6
Wp ;C, Ci+;Rl R; O

considering that the filter needs k capacitors and [ resistors. Note that the active
devices also need to be included in the above expressions since we have earlier
described the evaluation of pole-Q and pole-frequency sensitivities to opamp finite
gain and finite bandwidth.
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A
Active filters using amplifier pole
effect of bandwidth on active RC, 81
using one capacitor, 7681
using resistors differentiator, 76, 77
Active-G,,-RC filters, 81, 496
Active RC filters
active compensation of
using composite amplifiers, 34, 35
using NIC, 20, 21
distortion in, 118, 122-126
effect of opamp bandwidth on, 6
noise analysis of, 112-122
passive compensation of, 26, 34
using a single fully differential
amplifier, 53-55
Active RC filters for wireless applications
ADSL, 462465
Bluetooth, 443, 444, 446, 450
PDC, 456, 460
software radio, 465
UWRB, 447, 448
WCDMA, 456
WLAN/UMTS receivers, 450
Zigbee, 443, 446
Active RC ladder filters based on
component simulation, 5, 89-91,
198-201
Active R filters, 6
All-pass filters, first order
current mode, 153, 235, 236
SC, 258
using opamps, 30, 126
using OTAs, 152, 153,

Analysis of SC filters
SPICE based, 371-373
using Laker’s Z-domain equivalents,
254-257
Analytical synthesis technique, 220

B

Bandpass sigma-delta modulators, 319,
411-424

Biased-inverting opamp configuration,
361-365

Bilinear SC integrators, 283, 316, 317

C

CBSC. See Comparator based SC circuits
(CBSC)

Charge injection in SC filters, 326, 348, 349,
353, 354, 381-382

Clock boosting, 355

Clock feedthrough in SC filters, 268, 307, 311,
313, 325, 355, 387

Comparator based SC circuits (CBSC),
578-583

Complementary transformation, 424

Complex filters, 445, 501, 510, 511, 514, 573

Composite amplifier, 16, 36

Correlated Double-sampling, 366

CT sigma-delta modulators, 383, 590

Current conveyor, 2, 10, 134, 137, 139, 141,
532, 536, 602

Current feedback operational amplifier, 10

Current input current output filters, 129, 134,

189-197, 236 152,518

Alternating divide and conquer Current-mode filter derived from ladder filters,
technique, 471 209-216

P.V.A. Mohan, VLSI Analog Filters: Active RC, OTA-C, and SC, 617

Modeling and Simulation in Science, Engineering and Technology,
DOI 10.1007/978-0-8176-8358-0, © Springer Science+Business Media New York 2013



618

D
Deliyannis bandpass filter, 42
Distortion in
active RC filters, 118, 122-126
cancellation technique in OTA-C filters,
530, 533
OTA-C filters, 235, 237-239
SC filters, 346-349
Dynamic biasing, 456, 471
Dynamic impedance scaling, 465, 471, 473

E
Evaluation of CT filters, 599—-600

F
Field programmable analog array, 556, 560
Figure of merit (FOM), 123, 423, 590, 599
FIR filters, 309, 331-337
Fleischer—Laker biquad

E-type, 275

F-type, 267, 275, 283
FLF. See Follow-the-leader feedback (FLF)
Foldover noise, 8, 367, 368, 371
Follow-the-leader feedback (FLF), 106—111
FOM. See Figure of merit (FOM)
Four terminal floating nullor (FTFN), 140
Frequency dependent negative resistance

(FDNR), 91-93, 199, 201,
466, 468, 469

using Active RC technique, 466478

using OTA-C technique, 198, 199
Friend’s active RC biquad

Friend’s low-pass filter, 137

Steffen all-pass SAB, 130

G

Gain sensitivity product (GSP), 45

GIC based biquads, 55-58

G,-assisted filters, 476

G,,-C filters, 1, 8, 148, 447, 448, 478-578
G,,-Opamp integrator, 149

GSP, Gain sensitivity product (GSP)

I
IFLF. See Inverse follow-the-leader feedback
(IFLF)
Inductance realization
floating, 91, 92
grounded, 89, 92

Index

using opamp and RC, 91, 92
using OTA and C, 171, 178, 180, 182,
184, 291, 481
using SC, 92, 290, 429
Inductance simulation using amplifier pole
Integrated resistors and capacitors, 439-440
Integrators
active RC, 9, 252
Akerberg—Mossberg integrator, 22, 24, 96
Deboo’s integrator, 24
differential integrator, 27, 73, 149, 290, 382
OTA-C, 148-149
Q-factor of, 24
SC, 253, 255, 278, 331, 337-346, 351, 359,
374, 375, 583
Inverse follow-the-leader feedback (IFLF),
107, 110, 111

K

KHN biquad
active RC, 172, 233, 234
current-mode, 59-63, 68-74, 234

L
Ladder filters based on
component simulation, 89-91, 287-298
operational simulation, 89, 93—100,
287-298
LC filters for UWB receivers
linear transformation type OTA-C filters,
202-208
lossless discrete integration (LDI), 257
Lossy inductance simulation, 47
Low-pass filters
active RC, 2741
G,-C, 539, 543
SC, 291-296, 307, 357, 359
Low-voltage design techniques, 349-365

M
Minimum sensitivity feedback (MSF), 107,
110-111
MOSFET_C technique, 505, 510
MSF. See Minimum sensitivity feedback
(MSF)
Multi-loop feedback type active filters
follow-the-leader feedback
(FLF), 106-111
inverse follow-the-leader feedback (IFLF),
107, 110, 111
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minimum sensitivity feedback (MSF),
110-111
primary resonator block, 108-109
shifted companion form (SCF), 109-110
Multiple-feedback filters
active RC, 42-55, 69, 72, 113, 131
OTA-C, 216-219
SC,
Multiplexed SC biquads, 270, 272

N
Nauta’s transconductor, 568, 569
Negative resistance using opamp, 4, 19,
24,53, 56,71, 72,91, 559, 562,
564, 592, 601
Nodal voltage simulation, 58, 60, 69-73, 102,
232, 246
Noise analysis of
active-RC filters, 600
OTA-C filters, 147-246, 251, 287-288,
383, 533, 559, 561
SC filters, 1, 6-8, 73, 95, 254-257, 261,
268-272, 276278, 287, 298-326,
330, 331, 346-349, 351-354,
361-365, 378-381, 424, 426, 439,
578-583
N-path filters, 306-325, 334
double-sampling type, 8,

322-325, 366

o

Offset and gain compensation in SC filters, 8,
337-343, 346

Operational simulation
band-pass filters, 99—100, 291-296, 307,
316, 324, 327, 330, 567-568
of general parameter ladder filters, 104—106
high-pass filters, 91, 206
low-pass elliptic filters, 95
using Yoshihoro technique, 102, 105
Operational simulation based active RC
bandpass filters, 283, 293, 302, 321, 420,
461, 539, 601
high-pass filters, 100-104, 296-298
low-pass elliptic filters, 95
low-pass filters, 27-29, 199, 210, 215,
327, 328, 330, 445, 452, 485,
502, 515
Oscillators, 10, 227-231, 235, 245
OTA-C, 3, 8, 147-246, 251, 287-288, 383,
533, 559
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OTA-C filters

current-mode filters, 10, 152, 209-212

differentiator, 76, 77, 80, 150, 151, 235,
236, 258, 260

first-order filters, 27-29, 152-154

high-order filters based on component
simulation, 197-216

integrators, 148—-149

simulation of Ladder filters,
291-296, 485

table based substitution, 202

tuning of, 6, 61, 446, 450, 482, 514, 533,
559, 603

two-integrator loop OTA-C filters, 63, 81,
82, 100, 154, 155, 164, 168,
169, 172, 175, 184, 236, 262,
329, 378, 379, 402, 477, 493,
519, 533

voltage-mode filters, 134

OTA non-idealities, 206, 223-227
pole-zero model, 127, 147, 596

P
Parasitic compensated SC biquad, 268-270
Passive compensation, 6, 15, 16, 26, 34, 227
Power dissipation of SC filters, 350, 404—405
Precision opamp gain technique, 6, 304-306
Pseudo-N-path filters
based on circulating delay line, 311-313
based on RAM, 312-316
hybrid type, 314, 315
P-transformation, 424, 428

R
Realization of R, L, C using SC, 288-291,
296, 316
Reset-opamp technique, 359361
Resistor simulation using OTA, 197-201
grounded and floating, 523

S

Sallen—Key filter
effect of finite bandwidth, 33-35
effect of finite gain, 32-33

SC
amplifiers, 258, 342-346
bilinear, 283, 316, 317
biquads, 262-270, 272-287, 379, 428
capacitor spread evaluation, 265-267
delay, 335, 338, 416, 418
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SC (cont.)
integrators, 252, 255, 256, 261, 278, 303,
305, 306, 325, 330, 331, 337-346,
349, 351, 352, 354, 359, 360, 366,
368, 375, 377, 379, 404, 405, 408,
424, 426, 583, 584
LDI type, 257, 289-291, 326, 429
N-path filters, 306-325
resistor, 292
sensitivity of, 265, 267
Scaling for optimal dynamic range, 67-68, 104
SCF. See Shifted companion form (SCF)
SC filters
distortion in, 346-349
effect of finite gain, 409, 410
effect of opamp bandwidth, 374-381
effect of OTA bandwidth, 350, 378-381
offset and gain compensation, 8
using comparators, 578583
Sensitivity analysis of
active RC filters, 5, 88
SC filters
Shifted companion form (SCF), 107, 109-110
Sigma delta modulators
cascaded sigma-delta modulators, 391
fourth-order, 391, 392, 396-398, 416,
420, 422
high-order, 386, 389-403
comparator hysterisis, 411
continuous-time, 383
effect of bandwidth and slew rate,
407408, 413
effect of capacitor mismatch, 410, 427
effect of finite gain, 409, 410
effect of jitter, 403—404
effect of noise, 405-407

Index

multi-rate cascaded modulators, 588, 589
resonator based sigma delta modulator,
415-419, 420-421
second order, 385-390, 392, 398, 411, 588
multistage noise shaping, 389
reduced integrator swing range
topology, 392
using inverters, 584, 589
Single-path frequency translation, 308-310
Slew-limited error, 347, 348
Split-integrating capacitor’s T-cell integrator,
273-276, 278-279
Switch bootstrapping, 350, 355-359
Switched-opamp technique, 351-354

T

Table-based substitution of OTA-C filters, 202

Tarmy—Ghausi—-Moschytz biquad, 74-76

Terminations in SC ladder filters, 288

Tow-Thomas biquad, 62-69, 95, 100, 103,

127, 129, 134, 445, 506, 602

variants of Tow—Thomas biquad, 68-74

Tuning of G,,-C filters, 447

Two-amplifier active RC biquads, 132

U
Universal filters, OTA-C, 170, 171
derived from digital filters, 195
derived from Tarmy—Ghausi configuration,
189-195

V4
Z-Z" transformation, 311, 317, 319, 320, 429
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