


Modeling and Simulation in Science, Engineering, and Technology

Series Editor
Nicola Bellomo

Politecnico di Torino

Torino, Italy

Editorial Advisory Board

M. Avellaneda
Courant Institute of Mathematical Sciences

New York University

New York, NY, USA

K.J. Bathe
Department of Mechanical Engineering

Massachusetts Institute of Technology

Cambridge, MA, USA

A. Bertozzi
Department of Mathematics

University of California Los Angleles

Los Angeles, CA, USA

P. Degond
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Preface

The design of mixed signal integrated circuits is of continuing interest. The most

important analog blocks in these are A/D converters, D/A converters, and filters.

The art of analog filter design has been documented in several classic books used in

academic institutions worldwide. Some books have focused completely on one

particular topic, such as switched-capacitor filters, current-mode filters, or active

RC filters (based on opamps). Some books have covered all or a few of these. To the

author’s knowledge the most recent book appeared in 2005.

More recent industry requirements in mixed signal chips include low-voltage

operation, low power requirement, and high-frequency operation. Many specialized

techniques will be needed to achieve these objectives. These interesting and

innovative techniques are documented in reputable journals such the IEEE Journal
of Solid-State Circuits and IEEE Transactions on Circuits and Systems, among

others. Hence, introducing these into the curriculum is of utmost importance so that

students may graduate with up-to-date knowledge to cater to the needs of industry.

In addition, it has become important to teach most relevant information in the short

space of one or two semesters while giving sufficiently broad coverage of the

various topics.

This book is an effort in this direction. Contemporary designs of VLSI analog

filters can be classified into active RC filters, OTA (operational transconductance

amplifier)-C filters, SC (switched-capacitor) filters, log-domain filters, MOSFET-C

filters, current-mode filters using devices such as current conveyors or current

feedback amplifiers, and so on. Among these perhaps the most popular have been

the first three because of the possible ease of design, implementation, and versatil-

ity; good high-frequency performance; and the ability to work at low power supply

voltages and in an acceptable dynamic range. In this book, we focus on these three

areas.

The structure of the book is as follows. In Chap. 1, a general introduction to the

subject of VLSI analog filters is presented. Chapter 2 deals with active RC filters
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starting from amplifiers and first-order filters and considers the effect of

nonidealities of the opamp and techniques for compensation of these nonidealities.

Second-order active RC filters using a single amplifier, two opamps, and more

opamps are covered. Only popular structures are considered with analysis presented

on sensitivity to passive components and effect of opamp bandwidth. Techniques of

using the finite bandwidth of opamps in active filter realization to eliminate one or

both capacitors needed in a biquad realization are also considered in detail. Active

RC filter design based on component simulation and operational simulation of LC

ladders as well as multiloop feedback filters are considered. Noise analysis and

distortion analysis are also described. Designs that can take advantage of differen-

tial output amplifiers are also described.

In Chap. 3, active filter design using OTAs and capacitors is described in detail.

First-order filters, second-order filters using grounded capacitors, and filters derived

through component simulation are studied in detail. Filters using OTAs with dual

current outputs and with current outputs are also studied in detail. High-order filter

design using some recently described analytical synthesis techniques is considered

as well. The effect of nonideal frequency response of OTA and noise of OTA-C

filters is discussed for various filters.

Chapter 4 deals with SC filters. The concepts of switched capacitor filter and the

method of analysis using Laker’s equivalent circuit are described so as to enable the

reader to derive digital transfer functions of various filters. Second-order stray-

insensitive filters are considered in detail since they are the most popular in

industry. The optimal design of these filters to reduce area/capacitor spread/

sensitivity is considered. High-order SC filters based on operational simulation

are described in detail. Recent designs extend the frequency of operation of SC

filters by using a variety of interesting techniques such as N-path filters, double-

sampling, and precision opamp gain (POG). All these techniques are described in

detail. The analysis techniques for the nonidealities in SC filters such as opamp

offset, switch clock feedthrough, charge injection, distortion, finite gain, and

bandwidth of the opamp, foldover noise, and opamp 1/f noise are described in

great detail together with compensation techniques. Due to the most popular

application of SC circuits being in oversampled A/D converters, a section deals

exclusively with the architectures and performance-related issues. The design of

low-voltage SC filters is also considered for completeness.

Several innovative designs using the techniques considered in Chaps. 2, 3, 4, and

5 have been fruitfully employed in many contemporary integrated system-on-chip

(SOC) designs. In Chap. 5, several recent application-specific designs have been

surveyed in order to illustrate how the theory can be applied in practice.

The book has several illustrations to explain the concepts clearly and has an

extensive bibliography. Several WINSPICE-based simulation examples have been

provided in Chaps. 2, 3, 4, and 5 so that the performance of the various circuits can

be analyzed. The book can be used for self-study or prescribed as a textbook. The

only prerequisite is a basic course in circuit analysis, and a basic knowledge of DSP

fundamentals.
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Chapter 1

Introduction

The reader may be aware that today in all the appliances we use in our everyday

lives such as cell phones, digital cameras, and DVD players there is emphasis on

very large scale integration. The challenge of realizing complex mixed-signal

systems (containing both analog and digital subsystems) in a small area with

small power consumption, small weight, and the capability to work at very high

frequencies of a few hundred megahertz are successfully being addressed. More-

over, the complete mixed-signal system has to be realized in silicon since it is an

economical and easily available process technology compared with other process

technologies such as gallium arsenide and the like. Today, radio frequency CMOS

in silicon is a well-investigated area [1.1].

There has also been more emphasis on digital signal processing (DSP) since the

digital signal processing–based designs can be easily programmed if necessary and

most functions can be realized digitally with minimum dependence on expert

analog designers. Of course, since the signals we normally encounter are analog,

such as speech, audio, video, picture, and the like, there is a need for analog front-

ends. These need to perform the jobs of amplification, antialiasing filtering, coding

(or analog/digital conversion) at the input and similarly decoding (or digital/analog

conversion) and smoothing using filters at the receiving end, as shown in Fig. 1.1.

There have been several innovations in the previous four decades to realize the

analog front-ends efficiently. Filters form an important part of the front-end. In this

book, we focus on the design and implementation aspects of filters in CMOS very-

large-scale integration (VLSI) technology. Several books have been written on

continuous-time filters covering the various types of techniques available: active

resistor–capacitor (RC) filters using operational amplifiers (opamps, or OAs), log-

domain filters using bipolar transistors, or operational transconductance amplifier

(OTA) -capacitor (Gm-C) filters using OTAs. Discrete-time filters such as switched

capacitor (SC) filters using CMOS opamps and switched-current (SI) filters also

have been extensively investigated.

Although the opamp continues to be quite popular among filter designers,

several new devices have been discovered over the years, especially for operation

in current mode, and these have been used with some degree of success. Some of
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these are current conveyors (CCs), current feedback opamps (CFOAs), and current

input differencing amplifiers [1.2].

In this book, we start from basic circuits such as amplifiers and first-order filters

and develop from these structures for realizing high-order filters. Because of the

tolerances of realized components in the standard VLSI fabrication processes, the

evaluation of sensitivity of the filter parameters to pole-frequencies and pole-Q,

zero-frequencies, and zero-Q are very important. Other important issues such as

dynamic range, noise computation, evaluation of distortion, estimation of area, and

element spread (of capacitors, resistors, transconductances, etc.) are also relevant

and addressed in this book. The sensitivity and noise analysis techniques described

do not change with the design approaches used in the realization of filters and can

be easily applied to future evolution as well.

We make some introductory remarks in the next few sections that are applicable

to the various techniques described in this book in later chapters.

1.1 Problems in Integration of Analog Filters

The difficulties faced in integration of analog filters and the requirements are well

documented [1.3, 1.4, 1.5, 1.6]. These are briefly as follows.

Frequency response stability: The frequency variations due to temperature

variations, and fabrication tolerances shall be reduced to much less than 1%.

A/D
Converter

D/A
Converter

Smoothing
filter 

Clock

Analog input 
signal

DSP engine

I/O Interface

Digital Input
for Processing 

Digital output to
other digital circuits

Output Analog
Signal 

Anti-aliasing 
filter

Fig. 1.1 A typical mixed-signal VLSI chip architecture
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This may necessitate the use of automatic tuning in the case of OTA-C or

continuous-time filters. Several tuning methods are available using direct or indi-

rect methods. In the direct method shown in Fig. 1.2a, the filter is disconnected from

the actual system and tuned using an off-chip reference. In the indirect method

shown in Fig. 1.2b, there is no need to disconnect the filter from the main signal-

processing chain. Using a similar replica filter constructed in the same environment

in close proximity and tuning it, the control signals can be derived for the main

filter. The two filters are believed to track well. The off-chip stable reference could

be a low-temperature-coefficient resistance or a frequency of a crystal oscillator.

High-frequency performance: Parasitic capacitances as well as deteriorated high-

frequency response of transistors can cause severe deviations in the realized

frequency response. These put limits on the maximum frequency of operation.

Quality of passive components [1.7]: The Q of the inductors can be quite low due

to the finite but not negligible series resistance of the inductors as well as resistance

b

Filter 

input output

Tuning System 

Off-Chip Reference

Filter 
input 

output

Tuning System 

Off-Chip Reference

Monitor

a

Fig. 1.2 Filter tuning methods (a) direct; (b) indirect
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of the substrate. The parameters of spiral inductors depend on the line width,

spacing, number of turns, size of opening in the middle, and the type of shield placed

under the inductor. Typical values of realized inductances are 2–1,000 nH. The loss

of the inductors can be compensated using negative resistance in the circuit.

Resistances of 20–100Ω per square can be realized easily. The matching

accuracy of resistors can be about 0.4% by using suitable layout techniques.

The temperature coefficients are typically on the order of 1,500–8,000 ppm/�C.
The voltage coefficient of the realized resistances can be about 100–200 ppm/V.

High-quality capacitors can be made and good matching can be achieved so that

ratios can be accurately realized. The value of a resistor x can be expressed as a

function of voltage across the resistor V as x¼ xo(1+ a1V+ a2V
2). Note that the

linearity of the resistors improves with their length.

Capacitors of various types are available with high capacitance per unit area.

The fabricated capacitors of values ranging from 0.02–2.7 fF/mm2 can be realized.

The matching accuracy of capacitors can be in the range 0.05–1.5% [1.8]. The

temperature coefficients will be typically on the order of 20–50 ppm/�C. A high

ratio of actual capacitance to parasitic capacitance can be achieved with proper

layout. The plate of the capacitor with least parasitic capacitance is called the

bottom plate and the other is called top plate.

In addition to device area, other characteristics such as cleanliness of the process

determine the magnitude of mismatches.

Signal-handling capability: Due to the main reason that the power supply voltages

are becoming very low, achieving large signal swing needs specialized techniques.

Noise: Resistors and active devices such as opamps, transistors, and OTAs generate

active and passive noise. Circuit design techniques to minimize noise are available

so that the required dynamic range can be met in spite of lower power supply

voltages.

1.2 Filter Design Approaches

Several design approaches are available for the design of integrated analog filters

[1.9]. These are briefly described next and some of the approaches are studied in

detail in Chaps. 2, 3, and 4.

1.2.1 LC Filters

Historically, LC filters were the first to be used extensively in telecommunication

applications. The main advantages of LC filters are the low noise, high linearity,

lack of power dissipation, and availability of powerful design tools. However, the

problems of integrated inductors mentioned earlier especially the low-Q have
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barred their use. Interestingly, however, RF CMOS designers prefer these once

again and have devised several techniques such as lightly doped substrates [1.10,

1.11, 1.12] to overcome the limitation of low-Q (typically 5–10) of the fabricated

annular or spiral on-chip inductors of a few nano-Henries using Q-enhancement

through active devices.

1.2.2 Active RC Filters

Active RC filters using opamps [1.9] were extensively investigated and continue to

be in use in the front-end of most analog ICs today. The designs are standardized

and based on analysis of sensitivity to passive components, opamp nonidealities

such as finite gain and finite bandwidth, opamp noise, and power dissipation

(number of opamps); vast choice is available to the designer. Tradeoff of active

and passive noise is possible. The linearity of the active RC filters is quite good due

to the excellent linearity of the resistors. Some of the active RC filter structures may

not be suitable for VLSI implementation since parasitic capacitances at various

nodes in the active RC filters may affect the performance. However, in situations

where the tolerance of components is not a problem such as antialiasing filters,

active RC filters (see, e.g., Fig. 1.3) are the most popular choice.

Active RC filters of second-order (in the case of high odd-order filters, one

first-order filter) are cascaded to realize high-order filters. High-order active RC

filters can be derived from RLC filters using component simulation or operational
simulation. In the component simulation technique, inductances are realized by

opamps, resistors, and capacitors. On the other hand, in the operational simulation

method, the internal working of the RLC filter is mimicked by realizing the nodal

equations exactly. High-order filters based on multiple-loop feedback also have

been extensively studied. More recently, new features such as availability of

differential outputs have led to interesting new structures as studied in a later

chapter. The existing body of knowledge on active RC filters has helped the easy

generation of filter structures for other subsequent filter design methods.

–

+Vi

Vo

R1 R2

C1

C2

Fig. 1.3 Sallen–Key active RC filter
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1.2.3 Active R and Partially Active R Filters

The effect of opamp bandwidth on active RC filters has been studied extensively

and several techniques to correct for the deviations in pole-frequency and pole-Q

using predistortion, passive compensation (using additional passive components

resistors or capacitors), and active compensation (using additional opamps) have

been proposed. These may increase power dissipation and reduce the dynamic

range. As an alternative to compensation, converting the nonideality–finite band-

width to a possible advantage was also considered. An opamp with finite bandwidth

is basically an integrator, therefore designers tried to eliminate one integrator in

a second-order filter by using the inherent pole of the opamp. This led to partially

active R filters (see Fig. 1.4a) needing only one capacitor per pole pair. More

recently, this technique has been exploited to realize filters for very high

frequencies for GSM handsets. These are discussed in detail in Chap. 2. All these

filters that use resistors or capacitors invariably need the use of precision discrete

components with low tolerances <1% and often need tuning of the resistors using

techniques such as laser trimming in thick film hybrid circuits to bring them nearer

to the correct values. In contemporary designs, tuning is performed using an array

of resistors and capacitors and selecting some of these using digitally controlled

switches [1.13].

Designers were later tempted to do away with the capacitors altogether and

exploit the bandwidths of two opamps to realize second-order filters. Typical active

R filters [1.14] are shown in Fig. 1.4b. The interesting aspect of active R filters

is the dependence of pole-Q on ratios of resistors or ratios of bandwidths of

opamps. Unfortunately, however, the pole frequency is dependent on the product

of bandwidths of both opamps and is prone to variation with power supply voltage

and temperature. Interestingly, a technique for tuning these filters [1.15] in order to

realize the desired specifications was first investigated in connection with the active

R filters which become an indispensable block for continuous-time filters. This

method was illustrated in Fig. 1.2b.

1.2.4 SC Filters

The need for tuning continuous-time filters in order to realize the desired

specifications needs additional hardware. This can be avoided by using a SC

technique. The SC technique [1.16, 1.17, 1.18] uses only switches and small

capacitors to realize large resistances (see Fig. 1.5). Moreover, the pass-band

width and center frequency are tunable using a clock frequency. This property is

known as frequency translation. Moreover, these filters can be tuned to realize

desired gain, pole-frequency and pole-Q, zero frequency using digital control of

programmable capacitor arrays. The advent of the SC technique has revolutionized

filtering techniques as well as A/D and D/A conversion techniques and is still a

6 1 Introduction
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preferred choice for implementation. Ingenious techniques to enhance performance

such as double-sampling, N-path filter technique, offset and gain compensation,

fully differential structures, and low-voltage operation are currently available. SC

filters have their own disadvantages due to switch nonidealities such as clock-

feedthrough, foldover noise, and opamp nonidealities such as offset voltage, noise,

finite gain, and bandwidth. However, solutions to combat these are also available.

In Chap. 3, we focus on SC filters in great detail.

1.2.5 OTA-C (Gm-C) Filters

Although SC filters are quite popular, their limitation has been the noise level, need

for clock and inability to realize very-high-frequency filters. Hence alternative

design methods that use operational transconductance amplifiers have been devel-

oped. Note that SC filters also use OTAs since capacitive load only needs to be

driven thus avoiding a low impedance output stage present in opamps. The Gm-C

filters using transconductance elements (voltage to current converters) have been

used for quite some time. More recently, multiple-output Gms have been employed

in order to realize more flexibility, multiple outputs, current, or voltage mode

operation. The OTAs are basically voltage-to-current converters and are also called

Gm blocks. These can be tuned using control voltage or current and can be stacked

to realize higher values. A Gm-C integrator is shown in Fig. 1.6a and an active RC

integrator is shown in Fig. 1.6b. For the same capacitance, and considering Gm¼
G¼ 1/R, the RC integrator typically has 2–3 times lower noise than a Gm-C

integrator. Alternative structures that replace resistors by Gms in active RC

integrators are also available (see Fig. 1.6c) [1.3, 1.4, 1.5, 1.6]. These are known

as Gm-C-opamp filters. Fully balanced structures are usually preferred so that the

filters are insensitive to parasitic interference coupled through substrate and power

supply and ground lines.

1.2.6 MOSFET-C Filters

Other techniques for realizing continuous-time filters were also proposed and

implemented. These use the very old idea of replacing a resistor with a MOS

transistor. However, using fully differential structures, the even-order nonlinearity

of such simulated resistors can be cancelled. These were termed MOSFET-C filters

[1.3, 1.4, 1.5, 1.6] (see Fig. 1.6d). These can be tuned using the control voltage (gate

voltages) of the MOSFETs. The linearity of these may not be as high as that of

active RC filters.

8 1 Introduction
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1.2.7 Log-Domain Filters

Other techniques are also available for continuous-time filter design that allow

internal nonlinear operation of devices, and viewed as block boxes externally, they

are linear. This is made possible by compressing the signal, realizing the filtering,

and expanding the signal back. This may have advantage in the ICs needing low

power supply voltage since only front-end and back-end work on large amplitude

signals. The internally generated noise does not follow linear circuit laws. Log-

domain filters belong to this class of filters [1.19, 1.20]. The input current signal is

converted into voltage by a logarithmic converter (e.g., a bipolar transistor where
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Fig. 1.6 (a) Gm-C integrator; (b) active RC integrator; (c) Gm-C-opamp integrator; (d) a

MOSFET-C integrator
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small VBE variation results because of large emitter current variations). The filter

processes the compressed input signal and converts it back to linear form using an

exponential converter. Using similar properties of FETs, square-root domain filters

also can be constructed. In this book, we do not consider this class of filters.

1.2.8 Current-Mode Filters

The reduction of power supply voltage and need for high-frequency operation led to

yet another interesting method of realizing analog filters using current-mode oper-

ation. It is well known that a common-base amplifier works in current mode and has

a very good high-frequency performance. The circuit elements such as the current

conveyor (see Fig. 1.7) based on this concept were proposed for instrumentation

applications as early as 1972 [1.21]. There has been a revival of this area of research

more recently and the availability of commercial devices such as the current

feedback operational amplifier (CFOA) has further enriched this area. Numerous

current-mode elements have been introduced and applications to filters, oscillators,

and in some cases nonlinear blocks have been extensively studied. These also need

precise external resistors and capacitors to realize complete filters and tuning these

circuits may be quite involved. We do not address this area in this book.

Note, however, that circuits using one type of active element can be converted

into circuits using other active elements by simple techniques.
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Chapter 2

Active RC Filters Using Opamps

In this chapter, we consider the design aspects of active resistor–capacitor (RC)

filters using operational amplifiers (opamps). This topic has been covered exten-

sively in the past three decades in several classic textbooks [2.1, 2.2, 2.3, 2.4, 2.5,

2.6, 2.7, 2.8, 2.9, 2.10, 2.11, 2.12, 2.13]. There are numerous second-order filters

structures available in the literature using one, two, three, or four opamps [2.14].

The choice of a particular structure is dependent on (a) the number of opamps used,

(b) power consumption, (c) orthogonal control of pole-frequency, pole-Q, gain and

transmission zeroes, (d) component spread, and (e) sensitivity to passive and active

components. The designer shall also consider the dynamic range available through

noise and distortion analysis. We illustrate the concepts through some examples

chosen among several well-known structures. This enables readers to derive for

themselves the results for other circuits of interest.

2.1 Amplifiers Using Opamps

In this section we consider finite gain inverting and noninverting amplifiers. The

opamp frequency-dependent gain A(s) is modeled by a single-pole model given by

AðsÞ ¼ � B

sþ oa
(2.1)

where B is the gain bandwidth product denoted as Aooa, Ao is the dc gain, and oa is

the open-loop cutoff frequency. Usually oa is very small, for example, the popular

bipolar opamp mA741, say 2p � 10 rad/s and Ao ¼ 100,000 for a typical bipolar

opamp, so that B ¼ 2p � 106 rad/s. Taking into account the finite bandwidth of the

opamp, the gain of the inverting amplifier of Fig. 2.1a can be derived as
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Vo

Vi
¼ � G

1þ ðGþ1Þs
B

(2.2)

where G ¼ R2/R1. Thus, effectively, the cutoff frequency or bandwidth of the

inverting amplifier is B/(G + 1). In a similar manner, the gain of the noninverting

amplifier of Fig. 2.1b can be derived as

Vo

Vi
¼ ðGþ 1Þ

1þ ðGþ1Þs
B

(2.3)

where G ¼ R2/R1. Note that the cutoff frequency of a unity gain buffer

(noninverting amplifier), that is, G ¼ 0, is B whereas for an inverting amplifier of

gain unity, the bandwidth is B/2 [2.15].

Considering the frequency response of the form (ignoring the frequency-

independent gain factor),

AðsÞ ¼ Vo

Vi
¼ 1

1þ as
(2.4a)

where a ¼ 1/B and B is the unity gain bandwidth of the opamp, the gain and phase

are given approximately for frequencies far smaller than the bandwidth B of the

opamp as

A ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
AðjoÞð Þ2

q
ffi 1� a2 o2

2
(2.4b)
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Fig. 2.1 (a) An inverting

amplifier, and (b) a

noninverting amplifier
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’ ffi �ao (2.4c)

The use of finite gain amplifiers in filters will lead to certain undesirable

problems due to the introduced phase shift, which is considered in a later section.

To extend the frequency response (increase the bandwidth) of the amplifier, it is

necessary to use passive or active compensation techniques [2.16]–[2.21]. In these,

we effectively realize a transfer function of the form

AðsÞ ¼ Vo

Vi
¼ � Kð1þ asÞ

1þ asþ b s2
(2.5)

where a ¼ a/B and b ¼ b/B2. As a result, the gain and phase become

A ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
AðjoÞð Þ2

q
ffi 1þ bo2 (2.6a)

’ ffi �abo3 (2.6b)

Thus the phase response will have a third-order dependence on (o/B) against
first-order dependence for an uncompensated opamp given by (2.4c).

One method of passive compensation [2.16] is shown in Fig. 2.2a, wherein a

capacitor Cc across the input resistor is used. The transfer function of this circuit can

be obtained as

Vo

Vi
¼ �R2

R1

ð1þ s Cc R1Þ
1þ s

B 1þ R2

R1

� �
þ s2 Cc R2

B

� � (2.7)

Thus, under the condition Cc R1 ¼ 1
B 1þ R2

R1

� �
; the first-order terms dependent

on B will become equal, thus reducing the effect of finite bandwidth of the opamp

on the amplifier frequency response.

Another technique, known as active compensation, uses another OA to compen-

sate the effect of finite bandwidth of the opamp [2.18] and is shown in Fig. 2.2b.

The pair of OAs together as shown within dotted lines is denoted as “composite

OA.” The transfer function of this circuit is given by

Vo

Vi
¼ �R2

R1

1þ s
B2

� �
1þ s

B2
þ s2

B1 B2
1þ R2

R1

� � (2.8)

Thus, without needing any matching of bandwidths of the opamps, the circuit

realizes active compensation. In the case of a unity gain buffer [2.17], the circuit of

Fig. 2.2c has the gain given by
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Vo

Vi
¼

1þ s
B2

� �
1þ s

B1
þ s2

B1 B2

(2.9)

Note that matching of OA bandwidths is needed to achieve exact compensation.

Example 2.1 Using WINSPICE, evaluate the frequency response of the actively

compensated inverting amplifier for gain 10 of Fig. E.2.1. Use the opamp

macromodel with opamp finite dc gain 100,000 and bandwidth 1 MHz. Compare

the results with the uncompensated amplifier of Fig. 2.1a.

The SPICE code is listed below. Note that the opamp is modeled as a controlled

voltage source with gain 100,000 using dependent voltage source E1 and the finite

bandwidth is modeled by a first-order RC network (using R7, C2) with a pole-

frequency of 1 MHz. The bandwidth expansion can be observed. Note that peaking

can occur in the resultant composite amplifier frequency response.

–

+

R1

R2

Vo

Vo

Vi

Cc

–

+
Vo

–

+

Vi A1
A2

R1

R2

–

+

–

+

Vi

A1
A2

a

b

c

Fig. 2.2 Improved inverting amplifiers (a) using passive compensation, (b) using active compen-

sation, and (c) improved buffer ((c) Adapted from [2.17] #IEEE 1979)
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*Nonideal composite inverting amplifier

Vin1 1 0 ac 1 v

R5 1 7 1 k

R6 7 8 10 k

E1 0 9 7 0 100,000

R7 9 10 1 k

C2 10 0 15.9 uf

E2 11 0 10 0 1

E3 0 12 7 11 100,000

R8 12 13 1 k

C3 13 0 15.9 uf

E4 8 0 13 0 1

*Nonideal Inverting amplifier

R1 1 2 1 K

R2 2 6 10 k

E5 0 4 2 0 100,000

R3 4 5 1 k

C1 5 0 15.9 uf

E6 6 0 5 0 1

.ac dec 10 1 100,000 K

7 11

R6

R5

–

+

Vo

–

+

Vi

A1
A2

1
8

Fig. E.2.1
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Example 2.2 Using WINSPICE, evaluate the frequency response of the actively

compensated buffer amplifier of Fig. E.2.2. Use the opamp macro model with

opamp finite dc gain 100,000 and bandwidth 1 MHz.

The SPICE listing is given below. The bandwidth enhancement can be seen

clearly.

*Nonideal composite noninverting buffer amplifier

Vin1 1 0 ac 1 v

E1 4 0 1 2 100,000

R1 4 5 1 k

C1 5 0 15.9 uf

E2 3 0 5 0 1

E3 6 0 3 2 100,000

R3 6 7 1 k

C2 7 0 15.9 uf

E4 2 0 7 0 1

E5 9 0 1 8 100,000

R4 9 10 1 K

C3 10 0 15.9uF

E6 8 0 10 0 1

.ac dec 10 1 100,000 K

–

+
Vo

–

+

Vi
A1

A2

1

3

2

Fig. E.2.2
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Another interesting active compensation scheme was suggested by Boutin

[2.19], which uses a negative impedance converter (NIC). This circuit, presented

in Fig. 2.3a, has the transfer function given by

Vo

Vi
¼ �R2

R1

1

1þ s
B 1þ R2

R1
� R2

RN

� �
0
@

1
A (2.10)

Evidently, under the condition 1
R1
þ 1

R2
¼ 1

RN
; the gain will be frequency inde-

pendent. Note, however, that we need an ideal negative resistance, which is not

possible in practice.

Two circuits for obtaining negative resistance are presented in Fig. 2.3b, c. Note

that in both these circuits, a resistance R is placed between Vi and 2Vi, thus
effectively making a current (Vi � 2Vi)/R ¼ –Vi/R ¼ Vi/(–R) to flow simulating a

negative resistance. Since the opamp is nonideal, these two circuits realize a

nonideal negative resistance.

The use of the negative resistance [2.20] of Fig. 2.3b in the circuit of Fig. 2.3a in

place of –RN yields the circuit of Fig. 2.3d, whose transfer function is given by

Vo

Vi
¼ �R2

R1

1þ 2s
B2

1þ s 2
B2
� 1

B1

R2

R1
þ 1� R2

R3

� �� �
þ 2 s2

B1 B2

R2

R1
þ 1� R2

R3

� �
0
@

1
A (2.11)

Under the condition 1
R1
þ 1

R2
¼ 1

R3
; the first-order terms become equal, thus

achieving compensation.

Example 2.3 Analyze using SPICE the compensated amplifier using NIC shown in

Fig. E.2.3.

Note that R3 ¼ –R1R2/(R1 + R2) is chosen for exact compensation. The uncom-

pensated amplifier response is also presented to illustrate the bandwidth

enhancement.

Vi

Vo

R2–

+

R3–

+

R4

R1

R5

A1

A2

21
3

7

6

Fig. E.2.3
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–

+Vi

R

R′

Zin

–

+

R1

R2

Vo

Vi

–RN

a

b

–

+

R
Vi

R′

R′

Zin

Vi

Vo

R2–

+

R3

R

–

+

R

R2

A1

A2

c

d

R′

Fig. 2.3 (a) Boutin’s active

compensation scheme of

amplifier using NIC, (b) and

(c) circuits for NIC

realization, and (d) complete

circuit following (a) and (b)

((a) Adapted from [2.19]

#IEE 1981, (d) Adapted

from [2.20] #AEU 1988)
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*Amplifier using NIC compensation

R1 1 2 1 K

R2 2 3 1 K

R3 2 6 500

R4 6 7 1 k

R5 7 0 1 K

E1 0 4 2 0 100,000

R6 4 5 1 k

C1 5 0 15.9 uf

E2 3 0 5 0 1

E3 8 0 2 7 100,000

R7 8 9 1 K

C2 9 0 15.9 uf

E4 6 0 9 0 1

*Normal amplifier

R8 1 10 1 K

R9 10 11 1 K

E5 0 12 10 0 100,000

R10 12 13 1 k

C3 13 0 15.9 uf

E6 11 0 13 0 1

vin 1 0 ac 1 V

.ac dec 10 1 100,00 K

2.2 Integrators Using Opamps

An inverting integrator using an opamp is shown in Fig. 2.4a. In the case of an

opamp with infinite bandwidth, the transfer function realized is

Vo

Vi
¼ � 1

sCR
(2.12a)
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The transfer function of the integrator taking into account the model of (2.1) is

given by

Vo

Vi
¼ � 1

sCR 1þ 1
BCR þ s

B

� � (2.12b)

Thus, a real pole is created because of the finite bandwidth of the OA.

Expressing the integrator transfer function as

Vo

Vi
¼ � 1

RðjoÞ þ jXðjoÞ (2.13a)

–

+

R

C

Vo

Vo

Vo

Vi

Vi

Vi

–

+ –

+

C
R

R
R

–

+

R

r

2C R

r

a

b

c

Fig. 2.4 (a) An inverting integrator (b) a non-inverting integrator and (c) Deboo’s non-inverting

integrator, Actively compensated integrators: (d) Akerberg–Mossberg scheme [2.24], (e–g)

Brackett and Sedra schemes [2.21] and (h) Ravichandran and Rao [2.18] (b–d),(f),(g) Adapted

from [2.21] #IEEE 1976)
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–

–

+C
R

R

R

Vo

Vi

Vi

Vi

–

+

–

+C

R

R

R

Vo

–

+

–

+C
R

Vo

A1
A3

d

e

f

A1

–

+

–

+

–

+

A3

R
R

C

R

A2

Vo

Vo

Vi

Vi
R

C

–

+

–

+

g

h

Fig. 2.4 (continued)
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its Q-factor [2.21] can be defined as

Qinteg ¼
XðjoÞ
RðjoÞ (2.13b)

Thus, for the integrator of Fig. 2.4a, using (2.12b) and (2.13b) we obtain the

Q-factor as

Qinteg ¼ � B

o
þ 1

oCR

� �
(2.14)

A noninverting integrator can be obtained by cascading an inverting integrator

with a unity gain inverting amplifier [2.21] as shown in Fig. 2.4b. The transfer

function of this integrator, taking into account the nonideal opamp, is given by

Vo

Vi
¼ 1

sCRþ s
B þ s2 CR

B

� �
1þ 2s

B

� � (2.15a)

The Q-factor for this integrator can be obtained using (2.13b) as

Qinteg ¼ � BCRþ 1� 2o2 CR
B

3oCRþ 2o
B

 !
ffi � B

3o
(2.15b)

Evidently, the Q-factor is lower than that of the inverting integrator given

by (2.14).

Since the noninverting integrator of Fig. 2.4b needs two opamps, a single

amplifier-based integrator has been suggested by Deboo [2.22] (shown in

Fig. 2.4c). The transfer function of this integrator is given by

Vo

Vi
¼ 1

sCRþ 2s
B þ 2 s2 CR

B

(2.16a)

The resulting Q-factor can be derived as

Qinteg ¼ � BCRþ 2

2oCR

� �
ffi � B

2o
(2.16b)

Note that the Deboo integrator uses a negative resistance formed by resistors R0,
r, and r and opamp A1 (see Fig. 2.3b). Its Q-factor is less than that of the inverting

integrator but more than the two-amplifier based noninverting integrator of

Fig. 2.4b.

The Q-factor of the noninverting integrator can be made equal to that of the

inverting integrator by using an ingenious integrator described by Akerberg and

24 2 Active RC Filters Using Opamps



Mossberg [2.24] and shown in Fig. 2.4d. The transfer function of this integrator can

be derived as

Vo

Vi
¼ 1þ 2s

B

� �
2 s3 CR
B2 þ s2 2

B2 þ CR
B

� �
þ s 1

B þ CR
� � (2.17a)

The resulting Q-factor is given as

Qinteg ¼ �
B
o þ 1

oCR þ 4o
CRB2

1� 4o2

B2

 !
ffi B

o
(2.17b)

Another actively compensated integrator [2.21] is shown in Fig. 2.4e, which

realizes the same transfer function as that of Fig. 2.4d. Note that the block within

dotted lines has a gain 1
1þ 2s

B2

and the opamp A1 is an inverting amplifier, whereas in

the circuit of Fig. 2.4d, the opamp A1 is a noninverting amplifier and A2 and resistor

R realize a gain �1
1þ 2s

B2

. Thus, the circuit is the same except for the sign of the

integrator transfer function.

Active compensation also can be achieved using a buffer amplifier [2.21] as

shown in Fig. 2.4f. The transfer function of this circuit can be derived as

Vo

Vi
¼

� 1þ s
B3

� �
sCR 1þ 1

CRB1
þ s

B1
1þ 1

CRB3

� �
þ s2

B1 B3

� � (2.18)

A noninverting integrator can be obtained with the same integrator Q-factor by
augmenting the compensated inverting integrator of Fig. 2.4f using an additional

opamp and two resistors, as shown in Fig. 2.4g. The transfer function of this circuit

[2.21] is given as

Vo

Vi
¼

1þ s
B3

� �
sCR 1þ 1

CRB1
þ s

B1
1þ 1

CRB3

� �
þ s2

B1 B3

� � 1þ 2s
B1

� �
1þ 2s

B2

� � (2.19)

It can be seen that when B1 ¼ B2, the second fraction will become unity, thus

realizing the same transfer function as an inverting integrator except for the sign.

We next consider another actively compensated integrator [2.18] shown in

Fig. 2.4h that does not need any additional passive components. The transfer

function of this integrator can be derived as

Vo

Vi
¼

� 1þ s
B2

� �
s3 CR
B1 B2

þ s2

B1 B2
1þ B1 CRð Þ þ sCR

(2.20a)
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The resulting Q-factor (assuming B1 ¼ B2 ¼ B) is given as

Qinteg ¼ � B3 þ o2

CR

o3 þ Bo
CR

 !
¼ �

B3

o3 þ oo

o

1þ Boo

o2

 !
(2.20b)

For oo ¼ 1/CR ¼ o,

Qinteg ¼ �
B3

o3 þ 1

1þ B
o

 !
ffi � B2

o2
(2.20c)

which is much larger than B/o of an uncompensated integrator.

An integrator can be compensated by adding a small capacitance Cc across the

input feeding resistance R [2.23] as shown in Fig. 2.5a. The transfer function of this

circuit can be obtained as

Vo

Vi
¼ � 1þ s Cc Rð Þ

sCR 1þ s
B 1þ Cc

C

� �þ 1
BCR

� � (2.21a)

Evidently, under the condition

Cc ¼ C

BCR� 1
ffi 1

BR
(2.21b)

compensation is achieved.

–

+

R1 
R2

Vo

Cc

C–

+

R

Vo

Vi

Vi

Cc

a

b

Fig. 2.5 (a, b) Passive compensation of inverting integrators
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In another technique [2.25] shown in Fig. 2.5b, an integrator has been shown to

be compensated using an additional series resistance with the integrating capacitor.

In this technique, the transfer function can be obtained as

Vo

Vi
¼ � 1

sCR1

ð1þ s CR2Þ
1þ 1

BCR1
þ s

B 1þ R2

R1

� �
0
@

1
A (2.22)

It can be seen that under the condition BCR2 ¼ 1þ R2

R1

� �
; the s-terms in the

numerator and denominator are equal thus achieving first-order cancellation of

the effect of the finite bandwidth on the amplifier.

A differential integrator is shown in Fig. 2.6 whose transfer function considering

an ideal opamp is given by

Vo ¼ �V1 ð1þ s C2 R2Þ þ V2 ð1þ s C1 R1Þ
s C1 R1 ð1þ s C2 R2Þ (2.23)

Thus, a differential integrator is obtained when C1R1 ¼ C2R2; that is, the two

time constants shall match.

2.3 First-Order Filters Using Opamps

2.3.1 Low-Pass Filters

A first-order low-pass filter can be obtained by damping the integrator capacitor in

the integrators described earlier as shown in Fig. 2.7a. The transfer function of this

circuit is given by

–

+

R1

Vo

V1

V2

C1

C2

R2

Fig. 2.6 A differential integrator
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–

+

R1

R2

Vo

Vo

Vi

Vo

Vi

Vi

C

GR

–

+

–

+C

R

R2

R2

R1

R1

A1

A1

A2

A2

–

+

–

+C

a

b

c

Fig. 2.7 (a) A first-order low-pass filter, (b) and (c) actively compensated first-order low-pass

filters
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Vo

Vi
¼ �R2

R1

1

1þ s CR2 þ 1
B 1þ R2

R1

� �� �
þ s2 CR2

B

� �
0
@

1
A (2.24)

showing that two real poles exist. The circuit can be compensated using another OA

with two resistors as shown in Fig. 2.7b. The resulting transfer function can be

shown to be

Vo

Vi
¼ �G

1þ ðGþ1Þs
B2

1þ s CR2 þ Gþ1
B1

� �
þ s2 ðGþ1Þ2

B1 B2
þ CR2

B1

� �
þ s3 CR2 ðGþ1Þ

B1 B2

0
@

1
A (2.25)

where G ¼ R2/R1. Note that the first-order term s(G + 1)/B in the numerator and

denominator (assuming B1 ¼ B2 ¼ B) will compensate the lossy integrator.

An alternative compensated lossy integrator is shown in Fig. 2.7c whose transfer

function is given by

Vo

Vi
¼ �G

1þ s
B2

1þ s CR2 þ Gþ1
B1

� �
þ s2 ðGþ1Þ

B1 B2
þ CR2

B1

� �
þ s3 CR2

B1 B2

0
@

1
A (2.26)

2.3.2 First-Order All-Pass Filters

We next consider the realization of first-order all-pass filters [2.26] which is

possible using the two circuits of Fig. 2.8a, b. The transfer functions of these

circuits are, respectively, as follows.

Vo

Vi
¼ 1� sCRð Þ

1þ sCRð Þ 1þ 2s
B

� � (2.27a)

and

Vo

Vi
¼ � 1� sCRð Þ

1þ sCRð Þ 1þ 2s
B

� � (2.27b)

2.4 Sallen–Key Active RC Low-Pass Filter

Consider the Sallen–Key active RC filter [2.27] of Fig. 2.9a. We use this as a

vehicle to explain the design concepts. Consider that the opamp has finite gain A.
Then, the following equations can be easily written at the nodes 1, 2, and 3,
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Vi �V1

R1

þ V2 �V1

R2

þ ðV0 �V1Þs C1 ¼ 0 (2.28a)

V1 �V2

R2

¼ V2 s C2 (2.28b)

V2 �V0

K

� �
A ¼ V0 (2.28c)

where A is the gain of the opamp. Solving these equations, we obtain the transfer

function of the filter as

Vo

Vi
¼ K

s2 C1 C2 R1 R2 1þK
A

� �þs C1 R1þC2 ðR1þR2Þð Þ 1þK
A

� ��KC1 R1

� �þ 1þK
A

� � ð2:29aÞ

Note that in the case where we consider an ideal opamp (i.e., A ¼ 1), the

transfer function of (2.29a) is simplified as

–

+

R1

R1

R1

Vo

Vo

Vi

Vi

C

R

–

+

R1

C

R

a

b

Fig. 2.8 (a, b) First-order all-pass filters using one opamp
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Vo

Vi
¼ K

s2 C1 C2 R1 R2 þs C1 R1 þC2 ðR1 þR2Þ � K C1 R1ð Þ þ 1
(2.29b)

The next step is to match the transfer function with the desired second-order low-

pass transfer function. Since the s-term and s2 term in the numerator are zero, the

transfer function is a low-pass type. The denominator of the transfer function can be

compared with the standard second-order denominator

DðsÞ ¼ s2 þ s
oo

Qp

 !
þ op

2 (2.30a)

to obtain the pole-frequency and pole-Q as follows.

1

(K-1)R′–

+
Vi

Vi

Vi

Vo

Vo

Vo

R′

R1

R1

R1

C2

C2

C2

C1

C1

C1

R2

R2

R2

3

2

–

+

RB–

+

RA

a

b

c

Fig. 2.9 (a) Sallen–Key active RC low-pass filter using amplifier gain K, (b) with K ¼ 1 using a

buffer, and (c) Sallen–Key high-pass filter using a noninverting amplifier of gain K
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op ¼ 1ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 C2 R1 R2

p (2.30b)

and

Qp ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 C2 R1 R2

p
C1 R1 þC2 ðR1 þR2Þ � K C1 R1ð Þ (2.30c)

There are many component choices possible. However, two popular choices are

(a) using equal resistors (R1 ¼ R2 ¼ R) and equal capacitors (C1 ¼ C2 ¼ C) and
K > 1; (b) K ¼ 1 (see Fig. 2.9b) using unequal resistors and capacitors.

In choice (a), the expressions for pole-frequency and pole-Q simplify as

op ¼ 1

RC
and Qp ¼

1

3� K
(2.31)

For choice (b), the corresponding expression for pole-frequency is given by

(2.30b) and the expression for pole-Q is

Qp ¼
ffiffiffiffiffiffi
C1

C2

r ffiffiffiffiffiffiffiffiffiffiffiffi
R1 R2

p
ðR1 þR2Þ (2.32a)

It can be seen from (2.32a) that the spread in capacitor values can be minimized

when R1 ¼ R2:

C1

C2

¼ 4Q2
p (2.32b)

which can be quite large for large Qp values.

It is thus easily possible to design the circuit for a given pole-frequency and pole-

Q Qp. Note that the dc gain in both cases can be obtained by substituting s ¼ jo
¼ 0 in (2.29b). There is no degree of freedom to control the dc (low-frequency)

gain. On the other hand, in choice (a), the pole-Q is independently controlled by K.
The property of independent control of pole-frequency, pole-Q, and gain is known

as orthogonal tunability.

2.4.1 Effect of Finite Gain of the Opamp

Next, let us consider the effect of opamp finite dc gain. Evidently, by matching

denominator coefficients of the denominator of (2.29a) with (2.30a), the pole-

frequency is seen to be independent of the finite gain of the opamp. However, the

pole-Q is dependent on A as follows.
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Qp ¼
1þ K

A

� � ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 R1 C2 R2

p

C1 R1 þC2 ðR1 þR2Þð Þ 1þ K
A

� �� K C1 R1

� � (2.33)

Evidently, for large gain of the opamp, the sensitivity to A becomes zero as A
tends to the limit 1.

2.4.2 Effect of Finite Bandwidth of the Opamp

On the other hand, let us investigate the effect of finite bandwidth of the opamp. For

this purpose, we need to employ the single-pole model of the opamp. Note that the

opamp is usually designed to be a three-pole system [2.28] and has a dominant pole

which is at very low frequencies, and has second and third poles at very large

frequencies. The dominant pole is intentionally created by connecting a compensa-

tion capacitor inside the opamp circuitry by the opamp designer. Such an approach

ensures stability of the opamp when 100% negative feedback is used, for example,

when the opamp is connected as a buffer.

From (2.29a), using the model of (2.1), we obtain the denominator of the transfer

function as a third-degree expression:

DðsÞ ¼ s3
C1 C2 R1 R2 K

B
þ s2 C1 C2 R1 R2 þK

B
C1 R1 þC2 ðR1 þR2Þ

! !  

þ s C1 R1 þC2 ðR1 þR2Þ � K C1 R1 þK

B

� �
þ 1Þ (2.34)

Evidently, a parasitic real pole is created and the original (ideal) pole-frequency

and pole-Qwould have changed. It is therefore necessary to find out the deviation in

pole-frequency and pole-Q of the active filter due to the opamp finite bandwidth.

The cubic equation can be solved to find the roots and from that information, the

real pole, pole-frequency, and pole-Q corresponding to the complex pole pair can

be estimated. However, most often, designers need to have a quick assessment of

the expected deviations.

For this purpose, an approximation suggested by Akerberg and Mossberg [2.24]

can be used. In this, the s3 term is written as �sop
2 so that the third-order system

becomes a second-order system. From this, the modified pole-frequency and pole-Q
can be found following the conventional definitions. Note, however, that this is true

for high pole-Qs. For low pole-Qs, one can find them by exactly solving the cubic

equation. Using the Akerberg–Mossberg approximation, we have from (2.34), the

approximated denominator of the transfer function as
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D0 sð Þ ¼ s2 C1 C2 R1 R2 þK

B
C1 R1 þC2 ðR1 þR2Þð Þ

� �
þ s C1 R1 þC2 ðR1 þR2Þ � K C1 R1ð Þ þ 1

(2.35)

Thus, the shifted pole-frequency ôp and shifted pole-Q Q̂p can be seen by

identifying (2.35) with

s2
1

ô2
p

 !
þ s

1

ôp Q̂p

 !
þ 1

as

o2
p

o_
2

p

¼ 1þ K

B
C1 R1 þC2 ðR1 þR2Þð Þo2

p (2.36)

and

1

o_ p Q
_

p

¼ 1

op Qp

(2.37)

Evidently, from (2.36), we can observe that the pole-frequency o_ p decreases due

to opamp finite bandwidth and we note also from (2.37) that the pole-Q Q̂p increases

by a similar amount. As an illustration for case (b), K ¼ 1, we have

o2
p

ô2
p

¼ 1þ 2Qp þ
1

Qp

 !
op

B
(2.38a)

and for case (a), K 6¼ 1,

o2
p

ô2
p

¼ 1þ 3 3� 1

Qp

 !
op

B
(2.38b)

Note that several solutions have been suggested to get rid of the problem of

opamp finite bandwidth by (a) predistortion, (b) passive compensation of opamp,

and (c) active compensation of opamp. However, these need either extra passive or

active components or the performance of the compensated filters varies with power

supply voltage and temperature. The predistortion technique is based on (2.38a) and

considers the design of the circuit with lower pole-Q and higher pole-frequency

than desired.
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2.4.3 Active Compensation of Sallen–Key Filter with K ¼ 1

The Sallen–Key filter using the composite opamp of Fig. 2.10a to realize a unity

gain buffer is shown in Fig. 2.10b. The transfer function of the buffer stage using

composite opamps is given by (2.9). The denominator of the transfer function of the

actively compensated Sallen–Key filter of Fig. 2.10b is given by

DðsÞ ¼ s4
C1 C2 R1 R2

B2

� �
þ s3

C1 C2 R1 R2

B
þ C1 R1 þC2 R1 þC2 R2

B2

� �

þ s2
1

B2
þ C2 R1 þC2 R2

B
þ C1 C2 R1 R2

� �
þ s

1

B
þ C2 R1 þC2 R2Þ þ 1

� �
(2.39)

–

+
–

+
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–
+

–
+
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Vo
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R2

R2

A2

A2

A1

A1

–

+

–

+

R1

R(G-1) R
R

R

a

b

c

Fig. 2.10 (a) A composite opamp, (b) Sallen–Key filter with K ¼ 1 using composite opamp-

based buffer, and (c) Sallen–Key filter using composite opamp for K 6¼ 1

2.4 Sallen–Key Active RC Low-Pass Filter 35



Using Akerberg–Mossberg approximation, it can be shown that the modified

pole-frequency is given as

o2
p

o_
2

p

¼ 1þ op

Qp B
(2.40)

which may be compared with (2.38a) to note the significant improvement.

A noninverting amplifier needed in the Sallen–Key filter can also be actively

compensated using the circuit shown in Fig. 2.10c within dotted lines which needs

an additional OA and two resistors. The transfer function of this block is

HðsÞ ¼
G 1þ sG

B2

� �
1þ Gs

B1
þ G2 s

2

B1 B2

(2.41)

Under the matching condition B1 ¼ B2, this composite amplifier also realizes a

third-order dependence of phase but much larger than that of a buffer due to the G3

term. The reader is urged to study the effect of using this compensated Sallen–Key

filter.

2.4.4 Sensitivity Analysis

The active and passive components used in filters typically have large tolerances due

to manufacturing processes. The effect of these variations on the pole-frequency and

pole-Q from the nominal design values of the filters needs to be analyzed. This can

be carried out through sensitivity analysis. The sensitivity of a filter parameter such

as transfer function magnitude H to a component xi is defined as

SHxi ¼
@H

@ xi
:
xi
H

¼ @H

H

@ xi
xi

¼ % change in H

% change in xi

	
(2.42)

In other words, we would like to know the percentage change in H for a given

change of 1% in component value. Generally, the sensitivity should be small and

closer to unity. Note that the sensitivity can be positive or negative, meaning that H
may increase due to the 1% increase in component value or may decrease.

The computation of sensitivity can be easily done by noting some tricks. As an

illustration, consider the following expression for pole-frequency of a typical active

RC filter,

oo ¼ 1ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
R1 R2 C1 C2

p (2.43)
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The following can be easily written,

Soo
R1

¼ Soo
R2

¼ Soo

C1
¼ Soo

C2
¼ � 1

2

In other words, if the term under consideration is in the denominator, the

sensitivity will have negative sign and the “exponent” of that variable in the

expression is the sensitivity.

Some general formulae are presented next. The sensitivity of a fraction (p/q) to
any component can be shown to be

Sp=qx ¼ Spx � Sqx (2.44)

As an illustration, consider the sensitivity evaluation of Qp given by (2.30c) to

the various components:

Qp ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 C2 R1 R2

p
C1 R1 þC2 ðR1 þR2Þ � K C1 R1ð Þ ¼

N

D
(2.45)

We have

S
Qp

C1
¼ SNC1

� SDC1
¼ 1

2
� C1 R1 �K C1 R1

C1 R1 þC2 ðR1 þR2Þ � K C1 R1

¼ 1

2
� C1 R1 ð1� KÞQpffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

C1 R1 C2 R2

p (2.46a)

The expressions for other sensitivities can be very similarly written as follows.

S
Qp

R1
¼ SNR1

� SDR1
¼ 1

2
� Qp ðC1

R1 þC2 R1 �K C1 R1Þffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 R1 C2 R2

p (2.46b)

S
Qp

R2
¼ SNR2

� SDR2
¼ 1

2
� C2 R2 Qpffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

C1 R1 C2 R2

p (2.46c)

S
Qp

C2
¼ SNC2

� SDC2
¼ 1

2
� C2 ðR1 þR2ÞQpffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

C1 R1 C2 R2

p (2.46d)

S
Qp

K ¼ SNK � SDK ¼ K C1 R1 Qpffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
C1 R1 C2 R2

p (2.46e)
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It is very important to remember that sensitivity formulae should be written for

the original equation with all component values distinctly present. As an illustration

for the choice K ¼ 1, R1 ¼ R2 the sensitivities are as follows.

S
Qp

C1
¼ � S

Qp

C2
¼ 1

2
; S

Qp

R1
¼ S

Qp

R2
¼ 0

For the case K 6¼ 1, we have the following.

S
Qp

C1
¼ 2Qp �

1

2
; S

Qp

R1
¼ 3Qp

2
� 1; S

Qp

R2
¼ 1

2
� Qp; S

Qp

C2
¼ 1

2
� 2Qp; S

Qp

K ¼ 3Qp �1

It will be useful to substitute the parameter under consideration in the sensitivity

expression to get a meaningful insight to the magnitude of the sensitivity. For

example, in (2.46) above, the value of Qp has been substituted to obtain the various

sensitivities in terms of Qp. At this stage, the assumptions made in design such as

R1 ¼ R2, and so on can be made. The reader is referred to Appendix A for

information on the evaluation of the overall variation in the magnitude of the

transfer function.

In the earlier section, we considered a single-amplifier low-pass filter. A high-

pass filter can be easily obtained by replacing resistors with capacitors and

capacitors with resistances. This leads to a transformation known as low-pass to

high-pass transformation denoted as an s ! 1/s transformation. A high-pass filter

thus obtained is shown in Fig. 2.9c.

Example 2.4 Analyze using SPICE, the Sallen–Key filter using (a) an ideal unity

gain amplifier, (b) using a mA 741 operational amplifier, and (c) an actively

compensated unity gain amplifier. We use the model of the mA741 opamp. The

ideal pole-frequency and pole-Q are 159.09 KHz and 5, respectively.

The SPICE listing and frequency responses for the three cases are presented

below. The actual 741 model is defined as a subcircuit Xopamp. This is available

from manufacturers at their websites. It can be seen that a nonideal opamp results in

a decrease in pole-frequency and increase in pole-Q. On the other hand, the use of

an actively compensated opamp results in a pole-frequency closer to the ideal value

and Q enhancement is still present.

*Uncompensated Sallen–Key filter using opamp macromodel (infinite bandwidth)

Vin 1 0 1v ac

R3 1 6 1 K

R4 6 7 1 K

C3 6 8 10 nF

C4 7 0 .10 nF

E1 8 0 7 0 1

*Uncompensated Sallen–Key filter using Actual 741 model.

R1 1 2 1 K
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R2 2 3 1 K

C1 2 4 10 nF

C2 3 0 .10 nF

xopamp1 3 4 vpos vneg 4 xyz

v1 vpos 0 dc 12

v2 0 vneg dc 12

*Actively Compensated Sallen–Key filter

R5 1 9 1 K

R6 9 10 1 K

C5 9 11 10 nF

C6 10 0 .10 nF

Xopamp2 10 12 vpos vneg 11 xyz

Xopamp3 11 12 vpos vneg 12 xyz

.ac lin 100 10 600 K

.subckt xyz 1 2 3 4 5

c1 11 12 8.661E-12

c2 6 7 30.00E-12

dc 5 53 dx

de 54 5 dx

dlp 90 91 dx

dln 92 90 dx

dp 4 3 dx

egnd 99 0 poly(2) (3.0) (4.0) 0 .5 .5

fb 7 99 poly(5) vb vc ve vlp vln 0 10.61E6–10E6 10E6 +10E6 –10E6

ga 6 0 11 12 188.5E-6

gcm 0 6 10 99 5.961E-9

iee 10 4 dc 15.16E-6

hlim 90 0 vlim 1 K

q1 11 2 13 qx

q2 12 1 14 qx

r2 6 9 100.0E3

rc1 3 11 5.305E3

rc2 3 12 5.305E3

re1 13 10 1.836E3

re2 14 10 1.836E3

ree 10 99 13.19E6

r01 8 5 50

ro2 7 99 100

rp 3 4 18.16E3

vb 9 0 dc 0

vc 3 53 dc 1

ve 54 4 dc 1

vlim 7 8 dc 0

vlp 91 0 dc 40

vln 0 92 dc 40
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.model dx D(Is ¼ 800.0E–18 Rs ¼ 1)

.model qx NPN(Is ¼ 800E–18 Bf ¼ 93.75)

.ends

The SPICE simulation of the second-order Sallen–Key low-pass filter using a

unity gain amplifier is presented next. The CMOS opamp Schematic [2.103] is

shown in Fig. E.2.4. The program listing also gives an ideal Sallen–Key filter for

comparison. The filter is designed for a pole-frequency of 795.45 KHz and pole-Q
of 2.5.

*Sallen–Key ideal opamp

R3 1 6 100 K

R4 6 7 100 K

C3 6 8 10 pF

C4 7 0 0.4 pF

E1 8 0 7 0 1

M8

Vin+

M2
M1

M5

M7

M6

M3

VDD2.5V

VSS-2.5V

M4

Vout

Vin–

Fig. E.2.4 SPICE code of

opamps (Adapted from

[2.103]#OUP 2002)
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*Sallen–Key filter using CMOS opamp

Vin 1 0 0.1v ac

R5 1 9 100 K

R6 9 10 100 K

C5 9 11 10 pF

C6 10 0 0.4 pf

Xopamp1 10 11 11 vpos vneg OPAMP

.ac lin 100 10 2000 K

v1 vpos 0 dc 2.5

v2 0 vneg dc 2.5

.SUBCKT OPAMP 1 2 6 8 9

M1 4 2 3 3 NMOS1 W ¼ 3U L ¼ 1U AD ¼ 18P AS ¼ 18P PD ¼ 18U PS ¼ 18U

M2 5 1 3 3 NMOS1 W ¼ 3U L ¼ 1U AD ¼ 18P AS ¼ 18P PD ¼ 18U PS ¼ 18U

M3 4 4 8 8 PMOS1 W ¼ 15U L ¼ 1U AD ¼ 90P AS ¼ 90P PD ¼ 42U PS ¼ 42U

M4 5 4 8 8 PMOS1 W ¼ 15U L ¼ 1U AD ¼ 90P AS ¼ 90P PD ¼ 42U PS ¼ 42U

M5 3 7 9 9 NMOS1 W ¼ 4.5U L ¼ 1U AD ¼ 27P AS ¼ 27P PD ¼ 21U PS ¼ 21U

M6 6 5 8 8 PMOS1 W ¼ 94U L ¼ 1U AD ¼ 564P AS ¼ 564P PD ¼ 200U PS ¼
200U

M7 6 7 9 9 NMOS1 W ¼ 14U L ¼ 1U AD ¼ 84P AS ¼ 84P PD ¼ 40U PS ¼ 40U

M8 7 7 9 9 NMOS1 W ¼ 4.5U L ¼ 1U AD ¼ 27P AS ¼ 27P PD ¼ 21U PS ¼ 21U

CC 5 6 3.0P

.MODEL NMOS1 NMOS VTO ¼ 0.70 KP ¼ 110U GAMMA ¼ 0.4 LAMBDA ¼
0.04 PHI¼ 0.7 MJ¼ 0.5 MJSW¼ 0.38 CGBO¼ 700P CGSO¼ 220P CGDO¼
220P CJ ¼ 770U CJSW ¼ 380P LD ¼ 0.016U TOX ¼ 14N

.MODEL PMOS1 PMOS VTO ¼ -0.70 KP ¼ 50U GAMMA ¼ 0.57 LAMBDA ¼
0.05 PHI¼ 0.8 MJ¼ 0.5 MJSW¼ 0.35 CGBO¼ 700P CGSO¼ 220P CGDO¼
220P CJ ¼ 560U CJSW ¼ 350P LD ¼ 0.014U TOX ¼ 14N

IBIAS 8 7 30U

.ENDS

.END
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2.5 Second-Order Filters Based on Multiple Feedback

2.5.1 Friend’s Biquad

There are other second-order filters using a single opamp known as single-amplifier
biquads (SAB) that can realize many transfer functions based on the choice of

component values. One such popular biquad is known as Friend’s biquad [2.29].

This is shown in Fig. 2.11a and is also known as a multiple feedback filter since

it uses both negative and positive feedback. This circuit, however, cannot realize a

low-pass and all-pass transfer function for which alternative circuits shown in

Figs. 2.12 and 2.13 can be used. We first denote

Vx ¼ aVi þ bVo (2.47)

R2
–

+
Vo

RC

RB

C1

R5

R3

R2

–

+

Vi

Vi

Vo

R1

R1

RA

R4 RC

RB

C1

C1

C2

C2

a

b

Fig. 2.11 (a) Friend’s biquad, and (b) Deliyannis band-pass filter (Adapted from [2.29]

#IEEE 1975)
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R2

R2

–

+
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Vo

R1

R1

R3

R3

RB

RA

C1

βVo

Vx

Vx

–

+C1

a

b

C2

Fig. 2.12 (a) Multiple feedback- type second-order active RC low-pass filter with positive

feedback, and (b) with no positive feedback (Adapted from [2.29] #IEEE 1975)
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R2

RB

R3

R5
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Fig. 2.13 Steffen’s all-pass-type single-amplifier biquad (Adapted from [2.29] #IEEE1975)



where

a ¼ RC RB

RA RB þRB RC þRA RC
(2.48)

and

b ¼ RC RA

RA RB þRB RC þRA RC
(2.49)

The transfer function of the circuit of Fig. 2.11a can be derived as

Vo

Vi
¼ �

s2 aC2 C1 þs aC2
1
R1
þ 1

R4

� �
� C2

R1
� C1 þC2ð Þ a

R2
þ a

R5
� 1�a

R3

� �
þ 1

R1
þ 1

R4

� �
a
R2
þ a�1

R5
þ a

R5

� �� �
s2 C2 C1 ð1� bÞ þ s C1þC2ð Þ 1�b

R2
� b

R3
� b

R5

� �
� bC2

R1
� bC2

R4

� �
þ 1

R1
þ 1

R4

� �
1�b
R2

� b
R3
� b

R5

� �
(2.50)

Note that the several degrees of freedom available can be used to realize a

desired numerator of the transfer function. In the case of band-pass realization, R3,

R5, and RA are not needed. This means from (2.48) that a ¼ 0. Note that R4 helps to

control the gain. In the case where arbitrary gain can be accepted, R4 need not be

used. In this simple case known as Deliyannis band-pass biquad [2.31] shown in

Fig. 2.11b, the transfer function simplifies as

Vo

Vi
¼ �

s C2

R1 1�bð Þ
� �

s2 C2 C1 þs C1 þC2ð Þ
R2

� �
� bC2

1�bð ÞR1

� �
þ 1

R1 R2

(2.51)

Note that the pole-frequency is independent of b and b can be used to control the

Q. Tradeoff between the spread of passive components (capacitors and resistors)

and sensitivity can be achieved by proper choice of b and component values.

Denoting for simplicity C1 ¼ C, C2 ¼ c2C, R1 ¼ R, and R2 ¼ r2R, from the

denominator of (2.51) we can obtain

oo ¼ 1

rcCR
(2.52a)

and

Qp ¼
rc

1þ c2 � b
ð1�bÞ r

2 c2
(2.52b)

Note that for the case of no positive feedback (i.e., b ¼ 0) the value of r is

minimum when c ¼ 1 and is then r ¼ 2Qp. Evidently, the resistor spread is 4Qp
2
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which is very large for large Qp values. The natural question that arises is the choice

of r, c, and b values to reduce the sensitivity to component values. The opamp finite

gain A can be considered in the above expression for Qp by substituting b ¼ bo � 1
A

where bo is the ideal positive feedback factor given as RC/(RC + RB). This can be

verified to be true by the reader by writing the equation for the voltage VP at the

inverting input of the opamp. Thus, the sensitivity to amplifier finite gain A can be

obtained as follows.

Denoting K ¼ b
1�b ; we have SKb ¼ 1

1�b : Then, S
Qp

K ¼ KrcQp and noting that

SbA ¼ 1
A bo �1

; we have

S
Qp

A ¼ S
Qp

b : SbA ¼ S
Qp

K : SKb : SbA ¼ rcQp b

1� bð Þ2
1

A bo �1ð Þ ¼
rcQp

A 1� A bo �1
A

� �2 (2.53)

Since A is very large, this expression tends to zero thus obscuring the effect of

finite but large A and its variations. Moschytz [2.32, 2.33] introduced a figure of

merit known as the gain sensitivity product (GSP) which is defined as

GSP ¼ AS
Qp

A (2.54)

The result is that S
Qp

A multiplied by A will not tend to zero but to a finite value:

GSP ¼ AS
Qp

A ¼ rcQp

1� boð Þ2 (2.55a)

Note that bo ffi 1þc2

1þc2 þ r2 which can be obtained by equating the denominator of

(2.52b) to zero implying very large Qp values. Using this expression in (2.55a), we

obtain the GSP in terms of the values c, r, and Qp. Since Qp is given as a design

parameter, r and c need to be chosen to reduce the GSP.

GSP ¼ 1þ c2 þ r2 c2ð Þ2 Qp

r3 c3
(2.55b)

In the case of no positive feedback, under the optimum condition c ¼ 1, r ¼ 2

Qp, the GSP is 2Qp
2. The GSP in the case of existence of positive feedback can be

optimized by differentiating (2.55b) with respect to r or c and finding when it is

minimum. Differentiating (2. 55b) with respect to r, the GSP can be found to be

minimum under the condition

r2 ¼ 3ð1þ c2Þ
c2

(2.56a)
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and the value of the GSP is

GSPmin 1 ¼
16Qp

ffiffiffiffiffiffiffiffiffiffiffiffiffi
1þ c2

p

3
ffiffiffi
3

p (2.56b)

In a similar manner, differentiating (2.55b) with respect to c, the GSP can be

found to be minimum under the condition

c2 ¼ 3

1þ r2
� � (2.57a)

and the value of the GSP is

GSPmin 2 ¼
16Qp 1þ r2ð Þ3=2

3 r3
ffiffiffi
3

p (2.57b)

As an illustration for c ¼ 1 from (2.56a) and (2.56b), we have r ¼ √6, GSPmin1

¼ 16Qp

ffiffi
2

p

3
ffiffi
3

p ¼ 4:354Qp and for c ¼ 1 from (2.57a) and (2.57b), we have r ¼ √2,
GSPmin2 ¼ 8Qpffiffi

2
p ¼ 5:656Qp . The values of bo for both these cases are, respectively,

bo ¼
1�

ffiffi
3

p
Qp
ffiffi
2

p

4�
ffiffi
3

p
Qp
ffiffi
2

p
and bo ¼

1� 1

Qp
ffiffi
2

p

2� 1

Qp
ffiffi
2

p . As an illustration forQp ¼ 10, the various cases yield

the GSP as (a) bo ¼ 0, GSP ¼ 200, (b) bo ¼ 0.2334, GSP ¼ 43.54, and (c)

bo ¼ 0.48167, GSP ¼ 56.56.

2.5.2 Multiple Feedback-Type Low-Pass Filter Due to Friend

The biquad described in the previous section cannot realize a low-pass transfer

function. An alternative circuit due to Friend [2.29] is considered next. This circuit

is shown in Fig. 2.12a and has a transfer function given by

Vo

Vi
¼� 1

1�bð Þ

� 1

s2 C1 C2 R1R2þ s C2 R1 R2
1
R1
þ 1

R2
þ 1

R3

� �
� b

1�bð ÞC1 R1

� �
þR1

R3
� b

1�bð Þ
ð2:58aÞ

Note that when positive feedback does not exist (i.e., b ¼ 0 or the noninverting

input of the opamp is grounded), the circuit reduces to that shown in Fig. 2.12b.

It still realizes a low-pass filter transfer function at the output and in addition a

band-pass transfer function at the internal node:

Vx

Vi
¼ � Vo

Vi

� �
s C2 R2 when b ¼ 0 (2.58b)
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This circuit can be interpreted as having a lossy simulated inductance-based tank

circuit. The lossy inductance realized by the circuit within dotted lines is based on a

Ford and Girling [2.34] configuration and realizes an inductance of value C2R2R3

and is shunted by a resistance R2 in parallel with R3. In the circuit of Fig. 2.12b, the

pole-frequency can be seen to be independent of R1 and R1 can be used to control

the dc gain R3/R1:

o2
p ¼ 1

C1 C2 R2 R3
; Qp ¼

ffiffiffiffi
C1

C2

q
: R1

ffiffiffiffiffiffiffiffiffi
R2 R3

p
R1 R2 þR2 R3 þR1 R3

(2.59)

The capacitor spread can be seen to be minimum when R1 ¼ R2 ¼ R3, yielding
C1

C2
¼ 9Q2

p .

In the case of positive feedback being used (i.e., b 6¼ 0), the circuit can be

designed for chosen C1, C2, and b values so as to realize the desired gain, pole-

frequency, and pole-Q. The value of R2 can be estimated first and then R1 and R3

can be obtained:

R2 ¼
1
Qp

�
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1
Q2

p

� 4ðHo þ1Þ C2

C1
� b

1�b

� �r
2ðHo þ1Þop C2

(2.60a)

R1 ¼ 1

Ho ð1� bÞo2
p C1 C2 R2

(2.60b)

and

R3 ¼ Ho ð1� bÞR1

1þ Ho b
(2.60c)

where Ho is the dc gain of the low-pass filter given by

Ho ¼ 1

ð1� bÞ R1

R3

� �
� b

(2.60d)

Among the two solutions possible for R2, the choice of negative sign in (2.60a)

yields a lower spread.

The circuits of Figs. 2.11a and 2.12 cannot realize a second-order all-pass

transfer function. A solution is to use an alternative configuration due to Steffen

[2.29], shown in Fig. 2.13. The transfer function of this circuit can be derived as

Vo

Vi
¼ �

s2 C2 C1 þ s C1 þC2

RB
� C1 R3

R2

1
R4
þ 1

R5

� �� �
þ 1

R4
þ 1

R5

� �
1
RB

s2 C2 C1 þ s C1

R5
þ C1 þC2

RB
� C1 R3

R2 R4

� �
þ 1

R4
þ 1

R5

� �
1
RB

(2.61)
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The condition for realizing an all-pass transfer function is that the coefficient of

the “s” term in the numerator must be equal and opposite in sign to that in the

denominator yielding

2
C1 þC2

RB

� �
� C1 R3

R2

2

R4

þ 1

R5

� �
þ C1

R5

¼ 0 (2.62)

Next, assuming that C1 ¼ C2 ¼ C and with chosen value of G2/G3, we have

R5 ¼
mQp

2C2 op
(2.63a)

where

m ¼ 1þ R3

R2

: (2.63b)

Next, R4 can be obtained as

1

R4

¼
�G5 ð4� 3mÞ �

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
G2

5 4� 3mð Þ2 �8ð1� mÞð4C1 C2 o2
p þG2

5 ð2� mÞÞ
q

4ð1� mÞ
(2.63c)

Finally, RB can be evaluated from the expression for pole-frequency as

GB ¼ C1 C2 o2
p

G4 þG5ð Þ (2.63d)

Example 2.5 Using SPICE, taking into account the finite bandwidth of the opamp,

plot the response of the band-pass filter of Fig. E.2.5. Evaluate the poles and plot the

group delay versus frequency.

–

+R1

R2

C2

C1

1

2 4 3

Fig. E.2.5a
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This band-pass filter has a pole-frequency of 40 KHz and pole-Q of 20. The

midband gain is 800. The effect of opamp finite bandwidth is to create a parasitic

real pole and perturb the actual poles. The .pz command prints the poles and zeroes.

The frequency response using ideal opamp and opamp with finite bandwidth 1 MHz

are plotted in Fig. E.2.5b. The group delay is also plotted as a function of frequency

by giving the .plot gd(v(3)) command in Fig. E.2.5c.

*Multiple feedback SAB

R1 1 2 62.5

R2 4 3 100 K

C1 2 3 1590 pf

C2 2 4 1590 pf

E1 0 5 4 0 100,000

R4 5 6 1 k

C3 6 0 15.9 uf

E2 3 0 6 0 1

*Multiple feedback band-pass filter using ideal opamp

R11 1 7 62.5

R21 9 8 100 K

C11 7 8 1590 pf

C21 7 9 1590 pf

E3 0 8 9 0 10,000,000

vin 1 0 ac 1v

*.ac lin 1,000 10,000 100 K

.PZ 1 0 3 0 VOL PZ

pole(1) ¼ –1.63576e + 07,0.000000e + 00

pole(2) ¼ –3.62826e + 03,1.559514e + 05

pole(3) ¼ –3.62826e + 03,–1.55951e + 05

zero(1) ¼ 0.000000e + 00,0.000000e + 00

Fig. E.2.5b
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Fig. E.2.5c

The following describes a variable center frequency band-pass filter (by varying

R5 for three values) with constant bandwidth and constant peak value considering

an ideal opamp (see Fig. E.2.5d).

+

–

R1

R6

C3

C2

2 3
4

R5

0

1

Fig. E.2.5d

* SA Bandpass

R1 1 2 3181.5

R5 2 0 15

C3 2 3 10000 pf

C2 2 4 10000 pf

R6 3 4 6363

E1 0 5 3 0 100,000

R4 5 6 1 k

C5 6 0 15.9 uf

E2 4 0 6 0 1

vin 1 0 ac 1v

*.ac dec 1,000 10 10,000 K

.control

destroy all
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let ii ¼ 0

while ii < 5

alter R5 ¼ 15 + 20 * ii

ac dec 1,000 10 10,000 k

let ii ¼ ii + 1

plot mag(ac1.v(4)) mag(ac3.v(4)) mag(ac5.v(4))

end

Fig. E.2.5e

Example 2.6 Find the magnitude and group delay of the transfer function of the

MFB all-pass filter of Fig. E.2.6a. Find the response of the notch filter obtained

using different feedforward gain defined by R4/(R3 + R4).

Note that the magnitude of an all-pass transfer function ideally should be flat

(close to unity). The error is amplified and presented in Fig. E.2.6. The group delay

response is shown in Fig E.2.6. The frequency response of the notch filter is shown

in Fig. E.2.6d. (The same program with R3 ¼ 2K will realize a Notch filter (see

2
–

+

C2

C1

R2

R3

R1

Vin

3

4

5

R4

1

Fig. E.2.6a
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Fig. E.2.6d)). Note that the opamp dc gain is very large, meaning that it is ideal. The

reader is urged to find the responses with finite opamp bandwidth.

* Circuit MFB all-pass/Notch

R1 1 2 1 k

R2 3 5 400 k

C1 2 3 0.0001 uf

C2 2 5 0.0001 uf

R3 1 4 2k

R4 4 0 400 k

E1 6 0 4 3 10,000,000

R5 6 7 1 k

C3 7 0 15.9 uf

E2 5 0 7 0 1

vin 1 0 ac 1 v

.ac lin 99 1k 99 K

Fig. E.2.6b

Fig. E.2.6c
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2.5.3 Active Filters Using Single Fully Differential Amplifier

A very recent development is the easy availability of opamps with differential

outputs. A typical filter using a current input that exploits this property [2.35, 2.36]

is shown in Fig. 2.14a. Note that in this circuit, the noninverting input of the opamp

is grounded. Moreover, in addition to the usual output of the opamp, an inverted

output is also available which can be used to provide positive feedback. This

technique eliminates the need for the two resistors providing positive feedback

using resistors RA and RB; see, for example, Fig. 2.12a. For simplicity, an inverting

block of gain�1 is shown in Fig. 2.14a. The input impedance realized by this block

is as shown in Fig. 2.14b.

In the absence of feedback, the input impedance of the circuit is thus that of a

lossy resonator (see block within dotted lines in Fig. 2.11b). At the resonance

frequency, 1

2p
ffiffiffiffiffiffiffiffiffiffiffiffiffiffi
Cf RRf C

p , the input impedance is resistive
RRf

RþRf

� �
. In the presence

of Cpf, however, the input impedance comprises an additional capacitance Cpf and a

negative resistance of value � R
Cf

Cpf
as shown in Fig. 2.14b. Thus, the effect of

positive feedback is to increase the effective capacitance from C to C + Cpf and to

decrease the damping. The input admittance is still that of a RLC tank circuit. For

an appropriate choice of Cpf such that

�R
Cf

Cpf
þ RRf

RþRf

� �
¼ 0 or Cpf ¼ Cf 1þ R

Rf

� �
(2.64)

the resistance across the tank circuit can be completely cancelled thus realizing an

oscillator with a frequency of oscillation given by

Fig. E.2.6d
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f osc ¼
1

2p
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
Cþ Cpf

� �
Cf R Rf

q (2.65)

The transfer function of the realized filter of Fig. 2.14a taking into account the

finite gain of the opamp A can be obtained as

Vo

Iin
¼ � Rf

DðsÞ

where

DðsÞ ¼ s2 RRf CþCpf

� �
Cf 1þ 1

A

� �

þ s Cf RþRf

� �
1þ 1

A

� �
� Cpf Rf þ

CþCpf

� �
Rf

A

� �
þ 1þ 1

A

� �
(2.66)

Considering first the case of an opamp with infinite gain, denoting C ¼ c2Cf,

Cpf ¼ aCf, Rf ¼ r2R, the pole-frequency op, and the pole-Q Qp can be written as

follows.

–1

Cf–

+

Cpf = αCf

Vo

Rf

R

C = c2Cf

Iin

Rf
CfRRf

Cpf –RCf/Cpf

C R

a

b

Fig. 2.14 (a) Multiple feedback filter using differential output opamp; (b) input impedance

(Adapted from [2.35] #IEEE 2008)
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op ¼ 1

Cf R r
ffiffiffiffiffiffiffiffiffiffiffi
c2 þa

p (2.67a)

Qp ¼
r
ffiffiffiffiffiffiffiffiffiffiffi
c2 þa

p

r2 1� að Þ þ 1
(2.67b)

Note that a indicates the amount of positive feedback. Techniques for arriving at

an optimum choice of the various degrees of freedom a, c, and r for given R and C
values to arrive at a desirable solution to minimize the active and passive sensitivities

or the spread in component values have been described in detail in [2.36].

It must have been noted that single-amplifier structures do not have flexibility in

controlling the pole-frequency, gain, and pole-Q independently using separate

noninteracting controls except in a few cases. Moreover, these generally have

high sensitivities and require a large spread in component values. This is the reason

for preferring multiple amplifier biquads.

2.6 Biquads Using Two Opamps

2.6.1 GIC-Based Biquads

AGIC (generalized impedance converter) [2.37] is shown in Fig. 2.15a. This circuit

realizes an input impedance given by

Zin ¼ Z1 Z3 Z5

Z2 Z4

(2.68)

Note by virtue of the high gain of the opamps, all internal inverting and

noninverting input nodes of the opamps are at the same voltage. It is interesting

to see that a lossless grounded inductance can be realized when either Z2 or Z4 is a
capacitor:

Zin ¼ sC2R1 R3 R5

R4
in the case Z2 ¼ 1/sC2 or Zin ¼ sC4R1 R3 R5

R2
in the case Z4 ¼ 1/sC4

Zin ¼ s C2 R1 R3 R5

R4

in the case Z2 ¼ 1 sC2= or Zin

¼ s C4 R1 R3 R5

R2

in the case Z4 ¼ 1 sC4= (2.69)

The value of the inductance can be changed by any one of the various resistors.

They can be chosen equal for convenience as well.
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As an alternative, if both Z2 and Z4 are capacitors, a grounded frequency-dependent
negative resistance can be obtained with input impedance of the form s2D:

Zin ¼ s2 R1 R3 R5 C2 C4 (2.70)

For s ¼ jo, evidently Zin ¼ �o2 R1 R3 R5 C2 C4 which means that a negative

resistance is realized (due to the negative sign) which is frequency-dependent due to

the o2 term.

As yet another alternative, by choosing two of the impedances Z1, Z3, and Z5 as
capacitors, a grounded supercapacitance with impedance of the form 1/(s2C) can be
obtained. As an illustration, for Z1 ¼ 1/sC1 and Z3 ¼ 1/sC3, we have

Zin ¼ R5

s2 C1 C3 R2 R4

(2.71)

– +

+ –

Z2Z1

Vi

Z3 Z4

Z5

V1

V2

V2

Zin

Z4

Vi

– +

+ –

Z2Z1 Z3

Z5

V1

Vx

Y7

Y6

Y'6

a

b

Fig. 2.15 (a) A Generalized impedance converter, and (b) application of (a) to realize a second-

order filter
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The application of these to realize high-order filters is shown later.

It is easy to build second-order filters based on classical RLC circuits based

on the use of LC tank circuits. For example, a band-pass filter or a high-pass filter

can be obtained as shown in Fig. 2.15b by choosing Y6 ¼ sC6, Y7 ¼ 1/R7, or

Y6 ¼ 1/R6, Y7 ¼ sC7. In the case of a band-pass filter, the pole-Q can be controlled

using R7 whereas in the case of a high-pass filter, the pole-Q can be controlled

by R6.

The various transfer functions in the case of the choice of Y2 ¼ sC2, are as

follows.

Vx

Vi
¼ s C2 Y4 Y7

s2 C2 Y4 C6 þs C2 Y4 Y7 þ Y1 Y3 Y5

(2.72a)

V1

Vi
¼ Y4 þY5ð Þs C2 Y7

s2 C2 Y4 C6 þs C2 Y4 Y7 þ Y1 Y3 Y5

(2.72b)

V2

Vi
¼ Y7 ðs C2 Y4 � Y3 Y5Þ

s2 C2 Y4 C6 þs C2 Y4 Y7 þ Y1 Y3 Y5

(2.72c)

It may be noted that only the band-pass transfer function is available as Vx and V1

outputs and the other transfer function is not useful.

In the case with Z4 ¼ 1/sC4, we have

Vx

Vi
¼ s C4 Y2 Y7

s2 C4 Y2 C6 þs C4 Y2 Y7 þ Y1 Y3 Y5

(2.73a)

V1

Vi
¼ sC4 þY5ð Þ Y2 Y7

s2 C4 Y2 C6 þs C4 Y2 Y7 þ Y1 Y3 Y5

(2.73b)

V2

Vi
¼ Y7 ðs C2 Y4 � Y3 Y5Þ

s2 C4 Y2 C6 þs C4 Y2 Y7 þ Y1 Y3 Y5

(2.73c)

Note that only (2.37a) realizes a useful transfer function.

The denominator of the transfer function of the general structure of Fig. 2.15b

taking into account the finite bandwidth B of the opamp and assuming identical

opamps is given as

DðsÞ ¼ Y1 Y5 Y3 þ Y2 Y4 Y6ð Þ þ Y1 þ Y6ð Þ Y3 þ Y2ð Þ Y4 þ Y5ð Þ s

B
þ s2

B2

� �
(2.74)

For the choice Y2 ¼ sC2, Y6 ¼ sC6, and all other admittances as resistors, to

realize a band-pass filter transfer function at VA, (2.74) becomes
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DðsÞ ¼ s4
C6 C2

B2
Y4 þ Y5ð Þ

þ s3
C6 C2

B
Y4 þ Y5ð Þ þ Y4 þ Y5ð Þ C6 Y3 þC2 Y1 þC2 Y6ð Þ þ Y2 Y4 Y6

B2

� �

þ s2 C2 Y4 Y6 þ Y4 þ Y5ð Þ Y1 þ Y6ð Þ Y3

B2
þ Y4 þ Y5ð Þ C6 Y3 þC2 Y1 þC2 Y6ð Þ

B

� �

þ s C2 Y4 Y6 þ Y4 þ Y5ð Þ Y1 þ Y6ð Þ Y3

B

� �
þ Y1 Y5 Y3 ð2:75Þ

The resulting modified pole-frequency can be calculated by looking at the s0

and s2 terms under the condition Y1 ¼ Y3 ¼ Y4 ¼ Y5 ¼ 1/R, Y2 ¼ Y6 ¼ sC, and
R6 ¼ RQp.

o2
o

ô2
o

¼ 1þ 2 2þ 1

Qp

 !
op

B
(2.76)

Note that the results are same in the case Y4 ¼ sC4 and Y1 ¼ Y3 ¼ Y2 ¼ Y5 ¼ 1/R.

2.6.2 Two-Amplifier Biquads Derived from
Single-Amplifier Biquads

The single opamp-based biquads described earlier have used noninverting input of

the opamp as well. However, in order to reduce the effect of parasitic capacitances

at the inverting input of the opamp, it is useful to derive filters using opamps with

grounded noninverting input. Equivalent filter configurations can be derived based

on the nodal voltage simulation technique [2.38]. In this technique, the equations at

the internal nodes of the original circuit are realized in a different way so that the

opamp noninverting inputs can be grounded.

As an illustration, consider the active RC filter of Fig. 2.12a redrawn in

Fig. 2.16a. At node A, we have

Vx

R2

þ Vo s C2 ¼ bVo
1

R2

þ s C2

� �
(2.77)

which can be rewritten as

Vx

R2

þ Vo s C2 ð1� bÞ � b
R2

� �
Vo ¼ 0 (2.78)
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R3(1-β)

Vo R

R

–Vo

C2(1-β)

R2

–
+

Vi

R1(1-β)

C1/(1-β)

Vx
–
+

R2(1-β)/β

R2/β

C2

R2

–

+

Vi

Vo

R1 R3

RB

RA

C1

βVo

Vx
AB

a

b

C2
R1(1-α-β)

Vi

R5

–
+

βα
β

−−
+

1
C1C2

R4(1-α-β)

R3
–
+

R2

Vo

R/α

R/β

R

βα
α

−−1
C2

C2

R2
R3

c

Fig. 2.16 (a) Multiple feedback-type low-pass biquad, (b) circuit derived using nodal voltage

simulation, and (c) circuit derived from Friend’s biquad (c Adapted from [2.38] #IEE 1984)
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This equation is implemented as shown in Fig. 2.15b using resistors R2, capaci-

tor C2(1 � b), resistor R2/b, and inverting amplifier of gain 1. Similarly, at node B,
we have in the circuit of Fig. 2.15a

Vi

R1

þ Vo

R3

þ bVo

R2

¼ Vx
1

R1

þ 1

R2

þ 1

R3

þ s C1

� �
(2.79a)

This can be rewritten first as

Vi �Vx

R1

þ Vo �Vxð Þ 1

R3

þ b
R2

� �
¼ Vx

1� b
R2

þ s C1

� �
(2.79b)

and next by dividing throughout by (1 � b) as

Vi �Vx

1� bð ÞR1

þ Vo �Vxð Þ 1

R3 1� bð Þ þ
b

R2 1� bð Þ
� �

¼ Vx
1

R2

þ s C1

1� bð Þ
� �

(2.79c)

in order to retain R2 the same from Vx to virtual ground already present for realizing

(2.79a) so that at node Vx, we obtain the same equation as in Fig. 2.16a. Note that all

resistors and capacitors are realizable since 0 < b < 1.

This technique was originally used for the Friend–Deliyannis biquad [2.29] of

Fig. 2.11a which realizes exactly the same transfer function. The resulting two-

amplifier circuit is presented in Fig. 2.16c for completeness. The circuit still has one

internal node at which the parasitic capacitance can be absorbed by the capacitorC2.

2.7 Biquads Using More Than Two Opamps

2.7.1 KHN Biquad

The well-known Kerwin–Huelsman–Newcomb (KHN) biquad [2.39] also known as
the state variable biquad is presented in Fig. 2.17a. This circuit using three opamps

realizes high-pass, band-pass, and low-pass transfer functions at the output

terminals of the three opamps. The transfer functions of this circuit can be derived

as follows.

VLP

Vi
¼

R6 1þR3
R4

� �
R5 þR6ð Þ

s2 C1 C2 R1 R2 þ s C1 R1 R5

R5 þR6ð Þ 1þ R3

R4

� �
þ R3

R4

(2.80a)
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VBP ¼ � s C1 R1 VLP (2.80b)

VHP ¼ s2 C1 R1 C2 R2 VLP (2.80c)

Evidently, all three transfer functions are available. The choice of components

R1 ¼ R2 ¼ R, C1 ¼ C2 ¼ C, R4 ¼ R3 simplifies these transfer functions as

VLP

Vi
¼

2R6

R5 þR6ð Þ
s2 C2 R2 þs

2CRR5

R5 þR6ð Þ þ 1

; VBP ¼ �sCRVLP; VHP ¼ s2 C2 R2 VLP

(2.81)

Evidently, the pole-frequency op ¼ 1/CR and the pole-Q is given by

Qp ¼ R5 þR6

2R5
or R6

R5
¼ 2Qp �1 (2.82)

A2
VBP

VHP

Vd

C1R3

R4

–

+

–

+

–

+

R5

R2

R1

Vi

VLP

C2

R6

A1

A3

d

VLP

VBP

VHP
RD

–

+
RC

RB

RA

Vo

a

b

Fig. 2.17 (a) KHN Biquad, and (b) additional circuit to obtain a general biquadratic transfer

function
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Thus, the circuit has low pole-Q sensitivities and low pole-frequency

sensitivities and has the capability for orthogonal tuning of the pole-frequency

and pole-Q. The dc gain of the low-pass filter can be seen to be 2� 1
Qp

� �
which

cannot be independently controlled.

It is interesting to note that at node “d”, a notch transfer function is realized [2.41]:

Vd

Vi
¼

R6

R5 þR6ð Þ s2 C2 R2 þ1
� �

s2 C2 R2 þ s 2CRR5

R5 þR6ð Þ þ 1
(2.83)

The three outputs of the three opamps in the KHN biquad can be summed using

an additional summing amplifier as shown in Fig. 2.17b. The resulting transfer

function is given by

Vo

Vi
¼ �

s2 C2 R2 RD

RC
� sCR 2� 1

Qp

� �
RD

RB
þ RD

RA
2� 1

Qp

� �
s2 C2 R2 þ s 2CRR5

R5 þR6

� �
þ 1

(2.84)

Taking into account the finite gain bandwidth product of the three opamps,

assuming identical opamps with B1 ¼ B2 ¼ B3 ¼ B and denoting t ¼ CR, the
denominator of the transfer function can be derived as

DðsÞ ¼ 2 s5
t2

B3
þs4

5t2

B2
þ 4t
B3

� �
þ s3

6t
B2

þ 4t2

B
þ 2

B3

� �
þ s2 t2 þ 1

B2
þ 2t

B
þ 2bt

B

� �

þ s
2b
B

þ 2bt
� �

þ 1

(2.85)

Thus the perturbed pole-frequency and pole-Q can be expressed as

o2
p

ô2
p

¼ 1þ 2op

B
1þ 1

2Qp

 !
þ o2

p

B2
(2.86a)

and

op Qp

ôp Q̂p

¼ 1þ op

B
1� 4Qp

� �� 6o2
p Qp

B2
� 2Qp

o3
p

B3

 !
(2.86b)

In the KHN biquad, the front-end opamp uses both inputs of the opamps. Hence

parasitic capacitance at the noninverting input may affect the frequency response.

An alternative circuit known as the Tow–Thomas biquad is considered next.
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2.7.2 Tow–Thomas Biquad

This circuit and the KHN biquad are known as two-integrator loops. Essentially,
the Tow–Thomas biquad [2.23, 2.42] shown in Fig. 2.18a uses an inverting lossy

integrator formed by R1, R2, R3, C, and OA A1and a noninverting lossless integrator

formed by R0, R, C, and OAs A2 and A3 in a feedback loop. The transfer functions of

this circuit can be derived as

VLP

Vi
¼ �

R
R1

s2 C2 R2 þsC R2

R2
þ 1

; VBP ¼ �sCRVLP (2.87)

under the condition R3 ¼ R. Note that an inverting low-pass transfer function is

available at the output of opamp 2. Evidently the pole-Q is dependent on R2/R3 and

the pole-frequency is dependent on R and C. The low-pass transfer function exhibits
a dc gain of R/R1 and the band-pass transfer function has a center frequency gain of

R2/R1. This circuit evidently enjoys low sensitivities of pole-frequency and pole-Q

to passive components.

C

C

R2

–

+

–

+

–

+R1

R′

R3

R′

R

Vi

VLP

VBP
A1

A3

A2

RD
–

+
RC

RB

RA

VBP

Vi

VLP

Vo

a

b

Fig. 2.18 (a) Tow–Thomas biquad, and (b) summing amplifier to realize a general biquadratic

transfer function
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It is possible to derive a general biquad by using an extra summing amplifier to

combine the input and low-pass and band-pass outputs as shown in Fig. 2.18b. The

transfer function of this circuit is given by

Vo

Vi
¼ �

s2 C2 R2 RD

RA
þþsCR R

R2

RD

RA
� RD

RC

� �
þ RD

RA
� RD

RB

R
R1

s2 C2 R2 þ sC R2

R2
þ 1

(2.88)

Taking into account the finite gain bandwidth product of the three opamps,

assuming identical opamps with B1 ¼ B2 ¼ B3 ¼ B and denoting t ¼ CR, the
denominator of the transfer function can be derived as

DðsÞ ¼ 2 s5
t2

B3
þs4

2t
B3

1þ 1

Qp

þ R

R1

 !
þ 5t2

B2
þ 2t
B3

 !

þ s3
4t2

B
þ 2t
B2 Qp

þ 3t
B2

2þ 1

Qp

þ R

R1

 !
þ 2

B3
1þ 1

Qp

þ R

R1

 ! !

þ s2 t2 þ t
B

2þ 1

Qp

þ R

R1

 !
þ 2

B2 Qp

þ 3t
BQp

þ 1

B2
1þ 1

Qp

þ R

R1

 ! !

þ s
1

BQp

þ t
Qp

 !
þ 1 ð2:89Þ

Thus the perturbed pole-frequency and pole-Q can be expressed as

o2
p

ô2
p

¼ 1þ op

B
2þ 4

Qp

þ R

R1

 !
þ o2

p

B2
1þ 3

Qp

þ R

R1

 !
(2.90a)

and

op Qp

ôp Q̂p

¼ 1þ op

B
1� 4Qp

� �� o2
p Qp

B2
6þ 5

Qp

þ 3R

R1

 !
� 2Qp

o3
p

B3

 !

� 1þ 1

Qp

þ R

R1

 !
(2.90b)

Example 2.7 Plot the low-pass and band-pass transfer functions of the

Tow–Thomas biquad shown in Fig. E.2.7. using a nonideal macromodel of the

opamp. The biquad is designed for a pole-frequency ¼ 100 KHz, midband gain of

band-pass response, and pole-Q of 40.
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The two transfer functions can be seen to have slightly different peaks so that

scaling will be necessary to equalize the outputs. The pole-frequency evidently has

decreased due to the finite bandwidth of the opamps.

*Tow–Thomas biquad

R1 1 2 10 K

R2 2 3 400 K

C1 2 3 159 pf

R3 2 11 10 K

E1 0 4 2 0 100,000

R4 4 5 1 k

C3 5 0 15.9 uf

E2 3 0 5 0 1

R5 3 6 10 K

R6 6 7 10 K

E3 0 8 6 0 100,000

R7 8 9 1 k

C4 9 0 15.9 uf

E4 7 0 9 0 1

R8 7 10 10 K

C2 10 11 159 pf

E5 0 12 10 0 100,000

R9 12 13 1 k

C5 13 0 15.9 uf

E6 11 0 13 0 1

vin 1 0 ac 1v

.ac dec 1000 1 1,500 k

10

6
C2

C1

–

+

–

+

–

+

R3

R1
R6

R5

R2

R8

Vi

VLP

VBP

A2
A1

A3

1 2

3
7

11

Fig. E.2.7
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(a) With 1 MHz bandwidth opamps

(b) With opamp bandwidth 100 MHz

2.7.3 Akerberg–Mossberg Biquad

Akerberg andMossberg [2.24] suggested an active compensation technique without

using any additional components. The noninverting integrator realization based on

this approach has already been described in Fig. 2.4d. The denominator of the

transfer function of this biquad shown in Fig. 2.19 can be derived as
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DðsÞ ¼ s5
2 t2

B3

� �
þ s4

2t
B3 Qp

þ 6t
B3

þþ 3 t2

B2

 !

þ s3
4

B3
þ 5t
B2

þ 2

B3 Qp

þ 3 t
B2 Qp

þ 2 t2

B

 !

þ s2
2

B2
þ 3t

B
þ 3

B2 Qp

þ 2t
BQp

þ t2
 !

þ s
1

BQp

þ t
Qp

þ 2

B

 !
þ 1

(2.91)

Thus the perturbed pole-frequency and pole-Q can be expressed as

o2
p

ô2
p

¼ 1þ op

B
3þ 2

Qp

 !
þ o2

p

B2
2þ 3

Qp

 !
(2.92a)

and

op Qp

ôp Q̂p

¼ 1þ op

B
� o2

p ð5Qp þ3Þ
B2

� ð2þ 4QpÞ
o3

p

B3

 !
(2.92b)

It may be seen by comparing (2.92) with (2.90) that the pole-Q variation is much

smaller than in the Tow–Thomas biquad.

2.7.4 Scaling for Optimal Dynamic Range

A good design practice in both KHN and Tow–Thomas biquads is to choose equal

time constants for both integrators for high pole-Q designs. This choice has the

advantage that the maxima of all the outputs of the opamps tend to be the same for

R1

R
R2 C

C

–

+

+

–

–

+ R

R3

R

Vi

VLPVBP

A1 A2

A3

Fig. 2.19 Akerberg–Mossberg biquad
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high pole-Q designs. For low pole-Q designs, however, it is necessary to find the

maximum of the transfer functions at all three outputs of the three opamps (in the

case of the Tow–Thomas biquad only two) and then they need to be scaled to bring

these maxima to the maximum of the actual given transfer function. This procedure

is known as scaling for optimal dynamic range. The advantage of this step is

explained next using Fig. 2.20.

Consider that we are interested in the desired output Vo. Its maximum value (i.e.,

Vo ðjoÞj jmaxÞ can be estimated. Similarly, the output V1 and –V1 will have a

maximum value V1 ðjoÞj jmax which may occur at a different frequency. It may

happen that these two maxima are widely different in magnitudes. The purpose of

dynamic range scaling is to equalize these maxima by introducing a scaling factor m
such that m V1 ðjoÞj jmax ¼ Vo ðjoÞj jmax . This ensures that the input signal can be

increased safely and either Vo or V1 saturate at the same input level. This scaling to

change V1 to mV1 can be accomplished by changing R2 and C in the feedback path of

opamp A1 to mR2 and C/m. Since the gain of the stage using resistors R0 and R00 is
unity, these can be retained as they are. Since the output V1 has changed, the loop

gain can be kept constant by changing R to mR in the third stage. The maxima of the

second-order transfer function can be obtained through closed-form formulae

[2.40] presented in Appendix B or by plotting to find out the maximum.

2.7.5 Variants of Tow–Thomas and KHN Biquads

Several alternative forms of TT and KHN biquads can be derived by using the nodal

voltage simulation technique [2.41] from the single amplifier multiple-feedback

low-pass filter of Fig. 2.16a. Note that earlier, circuits using only the inverting input

of the opamp were derived. On the other hand, in these circuits (see, e.g.,

Fig. 2.16c), an internal node still existed where parasitic capacitances were present.

–

+

R1→µR1

R→µR

R2→µR2 C

C→C/µ

–

+

–

+R′

R3

R′′

Vi

Vo
V1

A1 A2

A3

A
V1

Fig. 2.20 Procedure for scaling for optimal dynamic range in Tow–Thomas biquad
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These internal nodes also can be eliminated by applying the nodal voltage simula-

tion technique described next.

Consider the multiple feedback active RC filter of Fig. 2.21a. By writing nodal

equations at nodes 1 and 2, the circuit of Fig. 2.21b can be constructed. Note that

–Vx is realized first and then using an inverting amplifier of unity gain, Vx is

realized. The circuit used to realize Vo from Vx is preserved. Thus the nodal voltages

are preserved in the new circuit. The similarity of the circuit of Fig. 2.21b to the

Tow–Thomas biquad can be observed except that the damping (pole-Q determin-

ing) resistor is dependent on three resistors R1, R2, and R3 in which place a single

resistor RN can be used to control the pole-Q.
We next consider the circuit of Fig. 2.22a, which is Fig. 2.12a redrawn for

convenience. The equivalent circuit shown in Fig. 2.22b can be derived easily. Note

that this circuit uses four opamps. The circuit cannot, however, realize a band-pass

transfer function at node x similar to that in Fig. 2.22a. The transfer function of the

circuit of Fig. 2.22b without considering the relationship of component values to

those in the circuit of Fig. 2.22a can be seen to be

Vo

Vi
¼ �1 R1=

s2 C1 C2 R4 þ s C2 R4

R6
� C1 R4

R5

� �
þ 1

R7
� R4

R5 R6

� � (2.93)

Vi

R1

A1

R3

R2

C1

C2

R′

RN = R1||R2||R3

–

+

–

+

–

+
R′

Vo
–Vx

A2

A3

Vx

a

b

C2

R2
-
+

Vi

Vo

R1

R3

C1

Vx1 2

Fig. 2.21 (a) Multiple-feedback low-pass filter, and (b) circuit derived from (a) using nodal

voltage simulation (Adapted from [2.41] #IEEE 1985)
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Under the condition C1 ¼ C2 ¼ C, R7 ¼ R4 ¼ R, and R6 ¼ QoR4, R5 ¼ R4/m,
we have

Qp ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
Qo �mð ÞQo

p
1�mQo

and op ¼ oo

ffiffiffiffiffiffiffiffiffiffiffiffiffi
1� m

Qo

q
(2.94a)

The pole-Q sensitivities are as follows.

S
Qp
m ¼ � m

2 Qo �mð Þ þ
Qpffiffiffiffiffiffiffiffiffiffiffiffiffi
1� m

Qo

q (2.94b)

C2
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+

Vi
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Vo
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R1

R3

RB

RA

C1

C1

bVo

Vx

R5= R2(1-b)/b

R4 = R2(1-b)

–
+

R6 = R1||R2||R3

–

+

–

+
R¢   

R¢¢ 

R7 = R3||(R2/b)

–Vx
A1

C2

–
+ Vo

A2

A3

Vx

R
R

A4

a

b

Fig. 2.22 (a) A multiple-feedback low-pass filter with positive feedback, (b) circuit obtained by

nodal voltage simulation, (c) modification of (b), and (d) modification of (c) ((b–d) Adapted from

[2.41] #IEEE 1985)

70 2 Active RC Filters Using Opamps



Thus, the Qp-sensitivities can be large for finite m.
The circuit of Fig. 2.22b can be simplified as shown in Fig. 2.22c needing only three

opamps. This circuit has same design equations as that of Fig. 2.22b.We next observe

that the circuit of Fig. 2.22c can be rearranged to obtain another circuit shown in

Fig. 2.22d which realizes effectively a noninverting integrator akin to the Akerberg–

Mossberg biquad. Note, however, the advantage is the reduction in the spread of

component values while achieving phase compensation. It is important to note that the

polarity of the opamp input terminals is different in the Akerberg–Mossberg biquad.

In order to reduce the capacitor spread, a negative resistance realized using opamp

A2, resistors (a � 1)R, R, and RF can be shunted to ground at the Vx terminal as shown

in Fig. 2.23a [2.43]. The corresponding circuit obtained by nodal voltage simulation is

as shown in Fig. 2.23b. The transfer function of this circuit can be obtained as

Vo

Vi
¼ �1 R1=

s2 C1 C2 R2 þs C2 R2
1
RN

� 1
R5

� �
þ 1

R3

(2.95)
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+
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Fig. 2.22 (continued)
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Thus although the pole-frequency is the same as that without the use of negative

resistance, pole-Q is affected by R5. For the choice C1 ¼ C2 ¼ C, R3 ¼ R2 ¼ R,

we have S
Qp

R5
¼ � Qp R2

R5
and S

Qp

RN
¼ Qp R2

RN
which can be large and S

Qp

R2
¼ �1.

Nodal voltage simulation technique can be applied to the KHN biquad redrawn

in Fig. 2.24a as well since it uses one opamp where both input terminals are used.

The circuit of Fig. 2.24b is the exact equivalent of the KHN biquad and needs four

opamps and has the four transfer functions LP, BP, HP, and band-reject types at the

outputs of the four opamps. Two rearrangements of this circuit are shown in

Fig. 2.24c, d that do not change the internal transfer functions but change the sign

R′

C2

C1

RN = R1||R2||R3

−

+

−

+

−

+R1

R′

R3

R2

Vi

Vo
–Vx

A1

A3

A2

Vx

R5= RF/(α-1)

A2

RF+

−

C2

R2

Vi

Vo

R1

R3

C1

Vx

−

+

(α-1)R

R

A1

a

b

Fig. 2.23 (a) A multiple-feedback active RC filter using negative resistance for Q-enhancement,

and (b) circuit obtained from (a) using nodal voltage simulation (Adapted from [2.41]

#IEEE 1985)
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of the LP transfer function. In the circuit of Fig. 2.24c, the integrator and amplifier

positions are changed. It uses a differential integrator formed by opamps A2 and A3,

resistors R around A2, resistors R4, R7 (¼R2), and capacitor C2, and a noninverting

integrator formed by resistors R around opamp A5, and R1,C1 around OA A4. Note

that the high-pass transfer function is not realized. On the other hand, in the circuit

of Fig. 2.24d, both feedback loops feed to the input opamp A1. The circuit uses two

noninverting integrators. Note that the circuit of Fig. 2.24d only realizes HP, BP,

and LP transfer functions. These modifications have been used in deriving SC

(switched-capacitor) filters.

R3

R2
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+

–

+
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R4
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C2 C1
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A2

Vi
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b

Fig. 2.24 (a) KHN biquad, (b) circuit obtained by nodal voltage simulation of (a), (c) modifica-

tion of (b), and (d) another modification which feeds both outputs to the first opamp suitable for

deriving SC filters (Adapted from [2.41] #IEEE 1985)
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2.7.6 Tarmy–Ghausi–Moschytz Three Opamp Biquad
and Its Variations

This is an interesting biquad [2.44, 2.45] which uses two first-order all-pass

networks in a negative feedback loop. In this circuit, shown in Fig. 2.25a, the OA

A2 resistors R
0, R, and C (and similarly the OA A3 resistors R

0, R, and C) realize a
first-order all-pass transfer function H(s) given by

HðsÞ ¼ 1� sCR

1þ sCR
(2.96)

The transfer function of this circuit can be derived as

Vo

Vi
¼ � R3

R1 1þ R3

R2

� � s2 C2 R2 þ 2sCRþ 1
� �

s2 C2 R2 þ s
2CR

R3
R2
�1

� �
1þR3

R2

� � þ 1

0
@

1
A

(2.97)

Even though there are real zeroes, these do not affect the transfer function much.

The pole-frequency and pole-Q can be derived as op ¼ 1
CR and Qp ¼

1þR3
R2

� �
2

R3
R2
�1

� � .
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Fig. 2.24 (continued)
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Fig. 2.25 (a) Tarmy–Ghausi band-pass filter modification due to Moschytz, (b) and (c)

modifications of (a) to decrease the pole-Q sensitivity
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The mid-band gain (i.e., gain at op) is
R3

R1

2Qp �1ð Þ
2

. Note that the sensitivity of Qp to

R3/R2 is large:

S
Qp
R3
R2

¼ �Qp þ
1

4Qp

(2.98)

Several interesting solutions [2.46, 2.47] have been suggested in the literature to

reduce the pole-Q sensitivity. These use different techniques of implementation of

the feedback loop while retaining the two first-order all-pass filters.

In the circuit of Fig. 2.25b, note that one inverting first-order all-pass filter and

one noninverting first-order all-pass filter are used. The transfer function of this

circuit can be derived as

Vo

Vi
¼ � R2

2R1 þR2ð Þ
s2 C2 R2 �2sCRþ 1
� �

s2 C2 R2 þ s 2CR
2R1 þR2ð Þ þ 1

� � (2.99a)

The resulting pole-Q is given as

Qp ¼
R1

R2

þ 1

2
(2.99b)

and the midband gain is unity. Thus, it is seen that the sensitivity of pole-Q is

reduced considerably. In the alternative circuit shown in Fig. 2.25c, the realized

transfer function is

Vo

Vi
¼ s2 C2 R2 �2sCRþ 1

� �
s2 C2 R2 þ s 2CR 2R3 R1 þR2 R3 �R4 R2ð Þ

R2 R3 þR4ð Þ þ 1
� � (2.100)

The resulting pole-Q under the condition R3 ¼ R4 is given as

Qp ¼
R2

2R1

(2.101)

Thus, in this case as well, the Q-sensitivity is considerably reduced.

2.8 Second-Order Active Filters Using Amplifier Pole

and One Capacitor

2.8.1 Using Single Capacitor

We consider a differentiator circuit shown in Fig. 2.26a. The transfer function of

this circuit considering a nonideal opamp is given by
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Fig. 2.26 (a) An active RC differentiator behaving as a second-order band-pass filter, (b)

modification of (a) to realize variable pole-Q, (c) modification of (b) to change pole-frequency,

(d) modification of (a) using positive feedback, (e) Rao and Srinivasan’s low-pass/band-pass filter,

(f) simplification of (e) to realize a low-pass/band-pass filter, and (g) a simplification of (e) to

realize a notch filter (b Adapted from [2.48]# IEEE1977, d,e Adapted from [2.49]#IEEE 1979,

f, g adapted from [2.52] #IEEE 1979)
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Vo

Vi
¼ � �sB

s2 þ s
C R2

þ B
CR2

� � (2.102)

This is a band-pass transfer function with the pole-frequency being op ¼
ffiffiffiffiffiffiffi
B

CR2

q
and Qp ¼

ffiffiffiffiffiffiffiffiffiffiffiffi
BCR2

p
. Interestingly maximum opQp ¼ B thus showing that a band-

pass filter with large pole-frequencies can be realized with moderate Q. It is

interesting to note that a high-pass transfer function is realized at the inverting

input of the OA. It may be appreciated that in effect the opamp with feedback

resistor R2 realizes a grounded inductor of value R2/B shunted by a resistance R2 as

shown in Fig. 2.26a. Note that the addition of a resistance [2.48] as shown in

Fig. 2.26b facilitates changing the pole-Q without changing the pole-frequency.

The resulting transfer function of this circuit is given as

Vo

Vi
¼ � �sB

s2 þ s
C

1
R1
þ 1

R2

� �
þ B

CR2

� � (2.103)
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Fig. 2.26 (continued)
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Thus, the pole-Q can be controlled by R1. Note, however, that the resulting op

Qp ¼ BR1

R1 þR2
is less than B. The pole-frequency of the filter can be controlled by

using a potential divider formed by resistors R1A and R1B in place of the resistor R1

in Fig. 2.26b as shown in Fig. 2.26c. Note that the opamp is characterized in this

case by the equation Vo ¼ �VxbB/s effectively showing that the bandwidth has

become bB where b ¼ R1A

R1A þR1B
. Note, however, that modified bandwidth bB is less

than the actual bandwidth B.
The realizable pole-Q can be enhanced using positive feedback [2.49] as shown

in Fig. 2.26d. This circuit realizes a transfer function given by

Vo

Vi
¼ � �sB

s2 þs 1
CR � bB
� �þ ð1�bÞB

CR

� � (2.104)

where b ¼ RB

RA þRB
:

Interestingly, arbitrary pole-Q can be realized but the pole-frequency is also

dependent on b. The circuit will realize a sinusoidal oscillator when b ¼ 1
BCR . The

resulting frequency of oscillation is given as B
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
bð1� bÞp

showing that the

maximum frequency of oscillation is B/2 when b ¼ 1/2. The use of a positive

feedback factor b larger than 1/BCR will lead to a relaxation oscillator. Most

textbooks describe this circuit as a relaxation oscillator that can generate square

and triangular waveforms [2.50].

Another interesting filter based on opamp pole [2.51] is presented in Fig. 2.26e.

Note that this circuit realizes a transfer function given by

Vo

Vi
¼ �

sbBþ B
C

b�1
R1

þ b
R2

� �
s2 þ s

C
1
R1
þ 1

R2

� �
þ B

CR2

� � (2.105)

where b ¼ R4

R3 þR4
. Note that under the condition b ¼ R2

R1 þR2
, a band-pass transfer

function is realized. When b ¼ 0 (see Fig. 2.26f), a low-pass transfer function is

realized [2.52] as can be easily guessed by noting that the opamp with feedback

resistance R2 realizes a lossy grounded inductance that together with resistor R1 (as

shown before; see Fig. 2.26a) and capacitor C forms a RLC tank circuit. When

b ¼ 1 (in which case R4 ¼ 1 and R3 ¼ 0; see Fig. 2.26g), a notch transfer

function is realized [2.52] at the inverting input of the OA suggesting that a floating

inductance is realized between A and B terminals with a parasitic resistance as

shown in the equivalent circuit in Fig. 2.26g. At the output of OA A1, a low-pass

transfer function is realized:

Vn

Vi
¼ � s2 þ B

CR2

s2 þ s
C

1
R1
þ 1

R2

� �
þ B

CR2

� � (2.106a)
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Vo

Vi
¼ �

B
C

1
R1
þ 1

R2

� �
s2 þ s

C
1
R1
þ 1

R2

� �
þ B

CR2

� � (2.106b)

Example 2.8 Determine the frequency response at the output and inverting input

of the opamp of the differentiator using a nonideal opamp with finite bandwidth of

1 MHz (Fig. E.2.8).

It can be seen that the differentiator circuit behaves as a band-pass filter and at

virtual ground node, a high-pass response can be seen. The midband gain of the

band-pass response is BCR ¼ 628 and pole-frequency is 40 KHz.

*Nonideal differentiator

C1 1 2 0.1 uf

R1 2 3 1 K

E1 0 4 2 0 100,000

R3 4 5 1 k

C3 5 0 15.90 uf

E2 3 0 5 0 1

vin 1 0 ac 1 v

.ac dec 10 1 1,000 K

–

+

Vi

Vo
C1

R21 2
3

Fig. E.2.8
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Example 2.9 Determine the frequency response at the output and inverting input

of the opamp of the active-Gm-RC filter of Fig. 2.26f using a nonideal opamp with

finite bandwidth of 1 MHz.

It can be seen that a low-pass response is realized at the output of the opamp and

a band-pass response at the inverting input of the opamp. The pole-frequency is

91.84 Hz.

*Low-pass filter using amplifier pole

vin 1 0 ac 1 v

R1 1 2 18.86 K

C1 2 0 0.001 uf

R2 2 3 18.86 K

E1 0 4 2 0 100,000

R3 4 5 1 K

C3 5 0 15.90 uf

E2 3 0 5 0 1

.ac dec 10 1 1,000 K

2.8.2 Second-Order Filters Using Only Resistors
and Amplifier Poles

The capacitors can be eliminated altogether in active filters by using the poles of

two opamps and only resistors. This is feasible by recognizing the fact that the

opamp basically is an integrator and hence two-integrator loops can be built to

realize biquadratic transfer functions. The simplest two-integrator loop using

opamps and resistors is shown in Fig. 2.27a. The transfer function of this circuit

is given by
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+

–

Vi

Vo

–

+

R1

R3

R2

A1

A2

a

–

+

–

+
Vo1

αVo1
Vo2

βVo2

p
A2

Vi

Vi

Vo

–

+

R1

R1

R3

R3

R2

R2

–

+

A1αVi

A1

A2

b

c

Fig. 2.27 Active R-filters: (a) based on two-integrator loop, (b) Ananda–Mohan structure based

on Rao–Srinivasan filter of Fig. 3.25e, (c) Mitra–Aatre structure. Active R filters due to (d) and

(e) Rao and Srinivasan [2.55] and (f) Schaumann [2.56] (b) Adapted from [2.53] #IEE 1980,

(c) Adapted from [2.54] #IEEE 1976, (d,e) Adapted from [2.55] #IEE 1974, (f) Adapted from

[2.56] #IEE 1974)
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–

+

+

–
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A2
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e
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–

+

–

+
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R
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(G-1)R
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f

Fig. 2.27 (continued)
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Vn

Vi
¼ � � R3

R1

s2

B1 B2

R3

R1
þ R3

R2
þ 1

� �
þ s

B2

R3

R2

� �
þ 1

� � (2.107a)

and

Va

Vo
¼ � s

B2

(2.107b)

Thus the dc gain is given by R3/R1 and independent control of pole-frequency

and pole-Q is not possible. A band-pass transfer function is also available

(see (2.107b)).

Another active R filter can be obtained from the low-pass filter derived from the

Rao and Srinivasan filter using the opamp pole and one capacitor as shown in

Fig. 2.26e [2.51] by replacing the capacitor Cwith a lossy simulated capacitor using

the amplifier pole [2.53]. The resulting circuit is shown in Fig. 2.27b. Note that the

OA A2 and resistor R3 will yield an input impedance at the terminal p given by

Zin ¼ R3 þB2 R3

s
(2.108)

The resulting transfer functions of the circuit at both outputs of the opamps are

given by

Vo

Vi
¼ �

1�a
R1

� a
R2
� a

R4

� �
þ s

B2

1�a
R1

� a
R2
� a

R3
� a

R4

� �
s2

B1 B2

1
R1
þ 1

R2
þ 1

R3
þ 1

R4

� �
þ s 1

B1

1
R1
þ 1

R2
þ 1

R4

� �
þ 1

B2 R2

� �
þ 1

R2

� � (2.109a)

and

Vx

Vi
¼ �

s
B1 R1

þ a
R2

s2

B1 B2

1
R1
þ 1

R2
þ 1

R3
þ 1

R4

� �
þ s 1

B1

1
R1
þ 1

R2
þ 1

R4

� �
þ 1

B2 R2

� �
þ 1

R2

� � (2.109b)

Evidently, a band-pass transfer function and a low-pass filter transfer function

can be realized at Vo when

1� a
R1

¼ a
R2

þ a
R4

(2.110a)

1� a
R1

¼ a
R2

þ a
R3

þ a
R4

(2.110b)

Note also that Vx realizes a band-pass transfer function when a ¼ 0.
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Mitra and Aatre [2.54] have described an active-R filter using opamps as shown

in Fig. 2.27c. The transfer function of this circuit can be derived as

Vo1

Vi
¼ � s B1

R1

s2 1
R1
þ 1

R2
þ 1

R3

� �
þ s B1

R3
þ abB1 B2

1
R1
þ 1

R2
þ 1

R3

� � (2.111)

This realizes a band-pass transfer function with a center frequency gain R2/R1,

and pole-frequency and pole-Q given as

op ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
abB1 B2

p
(2.112a)

Qp ¼
ffiffiffiffiffiffiffiffiffiffiffi
abB2

B1

s
R2

R1

þ R2

R3

þ 1

� �
(2.112b)

Thus the pole-Q is controlled by ratios of resistors and ratios of bandwidths of

the opamps and the pole-frequency is dependent on opamp bandwidths. The

maximum pole-frequency is evidently B where B1 ¼ B2 ¼ B and a ¼ b ¼ 1.
Note that either a or b will be sufficient so that two resistors can be saved.

Rao and Srinivasan [2.55] have described an active R filter using two opamps

which is presented in Fig. 2.27d. This uses the capacitor simulation circuit described

earlier (see Fig. 2.27b). The transfer function of this circuit can be derived as

Vo

Vi
¼ 1

b

� � 1þ K s
B2

� �
1þ s

bB1
þ K s2

bB1 B2

0
@

1
A (2.113)

where K ¼ 1þ Rb

Ra
and b ¼ R3

R3 þR4
.

For high pole-Q designs, (2.113) realizes a band-pass response. Note also that Vy

is a low-pass transfer function:

Vy

Vi
¼ 1

b

� �
1

1þ s
bB1

þ K s2

bB1 B2

 !
(2.114)

Rao and Srinivasan have also suggested another circuit [2.55] shown in

Fig. 2.27e for realizing a low-pass transfer function:

Vo

Vi
¼ � 1

R1

1
R2
þ 1

R3
þ s K

B2 R2
þ 1

B1

1
R1
þ 1

R2
þ 1

R3

� �� �
þ s2

KB1 B2

1
R1
þ 1

R2
þ 1

R3

� �
0
@

1
A (2.115)

2.8 Second-Order Active Filters Using Amplifier Pole and One Capacitor 85



Schaumann [2.56] has proposed another active R filter which is presented in

Fig. 2.27f whose transfer functions are given by

Va

Vi
¼

1
R1

s
B2
þ 1

G

� �
1

GR2
þ b

R3
þ s 1

B2 R2
þ 1

GB1

1
R1
þ 1

R2
þ 1

R3

� �� �
þ s2

B1 B2

1
R1
þ 1

R2
þ 1

R3

� �
0
@

1
A
(2.116a)

and

Vo

Vi
¼

1
bR1

1
GR2

þ b
R3
þ s 1

B2 R2
þ 1

GB1

1
R1
þ 1

R2
þ 1

R3

� �� �
þ s2

B1 B2

1
R1
þ 1

R2
þ 1

R3

� �
0
@

1
A

(2.116b)

Note that although Vo/Vi is a useful transfer function, Va/Vi is not a useful

transfer function. Schaumann suggests tuning the circuit for pole-Q, gain, and
pole-frequency using R3, R1, and b, respectively.

The various configurations of active R filters have shown that ratios of resistors

or ratios of bandwidths of opamps can control the gain and pole-Q whereas the

pole-frequency is still dependent on absolute values of bandwidths of both opamps

which vary with temperature and power supply voltage. Hence active R filter

designers have suggested the concept of master–slave tuning which laid the foun-

dation of continuous-time filter tuning. This topic is discussed at a later stage in this

book.

Example 2.10 Determine the frequency response at the output and inverting input

of the opamp of the active-R filter using two nonideal opamps. Study the effect of an

opamp second pole also (Fig. E.2.10).

Note that the opamp second pole is modeled by R5 and C4 for one opamp and by

R7 and C6 for another opamp. The effect of the second pole at 1.5 MHz is to cause

Q-enhancement and a shift in the peak frequency. The filter has a radian pole-

frequency of B/√3. The band-pass midband gain is 1. The pole-Q is √3.

2 +

–

Vi

Vo

R2–

+

R3

R1

A1

A2

1

3
4

Fig. E.2.10

86 2 Active RC Filters Using Opamps



*Active R filter

R1 1 2 1 k

R2 2 3 1 k

R3 2 4 1 k

E1 0 5 2 0 100,000

R4 5 6 1 k

C3 6 0 15.90 uf

E2 3 0 6 0 1

E3 7 0 3 0 100,000

R5 7 8 1 K

C4 8 0 15.9 uf

E4 4 0 8 0 1

vin 1 0 ac 1 v

.ac dec 10 1 1,000 K

*Active R filter using second pole

R1 1 2 1 k

R2 2 3 1 k

R3 2 4 1 k

E1 0 5 2 0 100,000

R4 5 6 1 k

C3 6 0 15.90 uf

E2 9 0 6 0 1

R5 9 10 1 K

C4 10 0 106.15 pf

E3 3 0 10 0 1

E4 7 0 3 0 100,000

R6 7 8 1 k

C5 8 0 15.9 uf

E5 11 0 8 0 1

R7 11 12 1 k
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C6 12 0 106.15 pf

E6 4 0 12 0 1

vin 1 0 ac 1 v

.ac dec 10 1 1,000 K

2.9 Active Filters Based on RLC Ladder Filters

Thus far, we have considered the design of active RC filters using the cascade

technique. The advantage of this technique is that proven and high-performance

biquads can be chosen to realize the high-order filters. But this technique has the

drawback that there is no interaction between the various biquads. Thus, the

individual biquad performance gets transferred to the output of the high-order filter.

On the other hand, doubly terminated passive ladder filters using inductances,

capacitances, and resistors have been found to exhibit very low sensitivity due to

the coupling that exists among all the components in the ladder filters. Any

variation in any one component will propagate to the source end as well as

termination end and the resulting frequency response has very low sensitivity.

This fact has been pointed out by Orchard [2.57] in his famous argument.

Consider, for instance, a high-order filter with equiripple pass-band. This implies

that there are several points of inflection in the pass-band. At these critical

frequencies, the derivative of the transfer function is zero. Thus, it follows that

the sensitivity to any component at these frequencies is zero. Therefore by having

several frequencies at which sensitivity of the transfer function is zero, in between

these frequencies also, sensitivity tends to be low. This has been extensively

verified by simulation for the past few decades. Hence, active filters based on

RLC prototype ladder filters tend to lead to low-sensitivity designs.

Thus low-sensitivity active RC filters can be derived by imitating the RLC

ladder filters. There are other techniques of high-order filter design that are not
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based on simulation of RLC ladders. These are based on multiloop feedback

technique. Both these topics are covered in the next two sections.

Active filters can be derived from RLC filters using two methods. In one method,

for example, the inductors in the RLC low-pass filter prototype of Fig. 2.28 are

replaced by active simulated inductances. This technique is known as the compo-
nent simulation technique. In the second option, the internal working of the

prototype RLC is filter is mimicked. By this, we mean that the nodal voltage

equations are realized as being the same. This technique is known as the opera-
tional simulation technique.

Even though the component simulation technique is feasible, it will usually lead

to a large number of components for realizing a floating inductor especially as

compared to the operational simulation method.

2.9.1 Component Simulation Technique

In order to realize the circuit of Fig. 2.28 evidently one needs floating inductors. In a

previous section, grounded inductance simulation based on GIC was described (see

Fig. 2.15a). Other alternatives also exist. Consider another grounded inductance

realization circuit shown in Fig. 2.29a [2.58]. The grounded inductance needs to

have an input impedance of sL. The basic principle of inductance simulation is

shown in Fig. 2.29b. The following equation describing the current through an

inductor and the voltage across it can be written to mimic an inductor:

Iin ¼ Vi

sL
¼ Vi �Vo

R1

(2.117)

Thus, we have to realize Vo from Vi such that

Vo

Vi
¼ 1� R1

sL
¼ 2� 1þ R1

sL

� �
(2.118)

so that a resistance inserted between Vi and Vo simulates an inductance.

We need to generate a voltage Vo from the input voltage Vi. The gain of 2 is

achieved by using a noninverting amplifier formed by opamp A2 and two resistors

R0. The transfer function 1þ 1
sCR2

� �
is obtained by using the subcircuit shown in

Rs

RL

L1 L2

C1
C2 C3

Vi Vo

Fig. 2.28 A RLC prototype fifth-order low-pass ladder filter
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Fig. 2.29a in dotted lines and the needed inversion is carried out by the opamp A2.

It should be noted that the block used to realize the voltage transfer function

(1 � (R1/sL)) must have high input impedance. The inductance realized is given

by CR1R2.

For the realization of floating inductance, it is required to augment the circuit of

grounded inductance shown in Fig. 2.29b, by lifting the grounded terminal off the

ground and connecting another similar circuit back to back as shown in Fig. 2.30a.

The active RC implementation is as shown in Fig. 2.30b. Note that (Va�Vb) is

available across the resistance R which is integrated using capacitors C and opamps

A1 and A2. These outputs of the integrators are added appropriately with the

terminal voltages Va and Vb to realize Vx and Vy such that

Vy ¼ Vb þVa �Vb

sCR
(2.119a)

and

Vx ¼ Va þVb �Va

sCR
(2.119b)

Thus, the currents flowing into the terminal A and B are Va �Vx

R and
Vb �Vy

R which

correspond to a floating inductance of value CR2. Note that the circuit needs two

capacitors and R1 ¼ R2 ¼ R.

C

–

+

–

+

Vi

R1

R′

R′
R2

Vo

1

2

A2

A1

Iin

R1

Vi

Vo

a

b

Fig. 2.29 (a) A grounded

inductance simulator, and

(b) the basic principle of

grounded inductance

simulation (Adapted from

[2.58] #IEEE 1967)
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A1

C
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+

–

+

V b

V a

V a

V b

R1

R1

R1

R′

R′

R

Vy

Vy

Vx

+

–
+

–

V a

R′
R′

R2

C

A2

A

A4

A4

A1

A2

Vx

Va
Vx

Vy

Vb

R1

R1

–

+

–

+

C

–

+

–

+

R

R

–

+

R

R

R

R

R

Vb

A3

a

b

c

Circuit generating 
Vx and Vy

Fig. 2.30 (a) A floating

inductance simulation

scheme based on the

grounded inductance of

Fig. 2.29a, (b) conceptual

model ((b) Adapted from

[2.58] #IEEE 1967) of

floating inductance

realization, and (c) another

floating inductance

simulation circuit
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Amodified circuit that needs only one capacitor is shown in Fig. 2.30c. Note that

the buffer-connected opamps A3 and A5 are needed to isolate loading of the Va and

Vb terminal by the resistor R. In the conceptual model of floating inductance

realization shown in Fig. 2.30a, it can be seen that

Va �Vx

R
¼ V

0
y �Vb

R
(2.119c)

or alternatively, we have

Vx ¼ Va þVb �Vy (2.119d)

Hence Vy can be realized using the modified grounded inductance circuit as

shown in Fig. 2.30c and using an additional OA A4 and four equal resistors, Vx can

be realized. It may be noted the circuits of Fig. 2.30b, c rely on matching of

components for exact floating inductance realization.

All-pole high-pass filters can be easily realized using the grounded inductances

described above. Floating inductances can be avoided in the design of all-pole low-

pass filters using the concept of FDNR which is considered next.

2.9.2 FDNR-Based Filters

Bruton [2.59] has introduced the concept of frequency-dependent negative resis-
tance (FDNR) in order to facilitate easy realization of low-pass active RC ladder

filters. Consider once again the prototype of Fig. 2.31a. Bruton suggested dividing

all the impedances by s so that the transfer function remains unchanged. Then the

following equivalences will occur.

R changes to R
s (a capacitor of value 1/R)

1
sC changes to 1

s2 C (a frequency-dependent negative resistance D � � 1 ðo2 CÞ
.

)

sL changes to L, a resistance.

Thus, floating inductances are transformed to floating resistances and resistors are

transformed to capacitors and capacitors are transformed to grounded FDNRs as shown

in Fig. 2.31b. The impedance � 1 ðo2 CÞ
.

is real and negative and hence is a negative

resistance, however, it is frequency-dependent due to the o2 term. Fortunately,

grounded FDNR can be easily realized using a GIC (generalized impedance converter)

studied in Fig. 2.15a. Note, however, that unlike the RLC prototype, the low-pass filter

does not have a dc response as needed for a low-pass filter, since input is fed through a

series capacitor. This situation can be remedied by shunting the input and load

capacitors by resistances which, of course, changes the frequency response slightly.

Note, however, that this technique is applicable only for low-pass ladder filters.

The FDNR is also known as supercapacitance.
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2.9.3 Active RC Ladder Filters Based on Operational Simulation

2.9.3.1 Low-Pass Ladder Filters

In this technique, the nodal voltage equations are realized. As an illustration,

consider the RLC low-pass all-pole ladder filter prototype shown in Fig. 2.32a.

One can easily write the nodal voltage equations at nodes 1, 2, and 3 as follows.

Vi �V1

Rs
þ I1 ¼ s C1 V1 (2.120a)

I1 ¼ V2 �V1

s L1
(2.120b)

I2 ¼ V2 �V3

s L2
(2.120c)

� ðI1 þ I2Þ ¼ V2

s C2

(2.120d)

Rs

Cs

RL

L1

R1 R2

D1
D2 D3

L2

C1
C2

C2

Vi

Vi

Vo

Vo

V1 V2 V3

R′s

R′L

CL

a

b

Fig. 2.31 (a) A fifth-order low-pass ladder filter prototype, and (b) a grounded FDNR-based

circuit derived from (a)
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I2 �Vo s C3 ¼ Vo

RL
(2.120e)

Note that by considering�V1, V2 and�V0 are realized at the outputs of the OAs,

these equations can be easily realized as shown in the complete circuit of Fig. 2.32b.

Note that the currents through the inductors I1 and I2 are also realized at the outputs
of OAs A3 and A6 as I1R and I2R using noninverting integrators formed by (A2 and

A3) and (A5 and A6) and associated resistors and capacitors, respectively. All the

equations (2.120) can be realized using integrators. The termination resistances Rs

and RL will form part of the damped integrators as shown. The inductance and

capacitance values in the prototype directly correspond to the integrating

capacitors. The elegance of obtaining the circuit from the prototype of Fig. 2.32a

has been noted.

Note that in a good design, there is an additional scaling step for optimal

dynamic range. This requires that the currents through the inductors and voltages

across the capacitors (i.e., the state variables realized at the output terminals of the

various opamps) need to be analyzed to find their maximum value across the

complete frequency range and then these voltages would be scaled to be equal.

V1

C1
C2 C3

L1 L2

V2

Rs

RL

Vi Vo

– +

– +– +

– +

– + – +– +

C1

Ra Ra Ra Ra

R′ R′

R′ R′

RS

RS

RS

RS RL

RL

RL

RaRs

L1 L2–V1

V2 –Vo

V2 V4

RaRL

A1

A3

A2

A4
A7

A6

A5

C2 C3

Vi

a

b

Fig. 2.32 (a) A passive RLC ladder prototype, and (b) a leap-frog active ladder filter derived

from (a)
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The scaling procedure has been illustrated in Fig. 2.20 for the case of the

Tow–Thomas biquad which in fact is based on an operational simulation of a

second-order singly terminated filter (Rs or RL ¼ 0).

For several years, the operational simulation of low-pass elliptic filters was not

easy. However, during the course of research on SC filters, Allstot, Brodersen, and

Gray [2.60] suggested an ingenious technique of realizing low-pass elliptic filters.

This approach is considered briefly next. In this method, the nodal equations at

nodes V1, V2, and V3 in the prototype filter of Fig. 2.33a are rewritten so that by

augmenting additional components, the low-pass filter structure can still be used.

The circuit of Fig. 2.33b can be seen to be the exact equivalent of the prototype

fifth-order elliptic low-pass filter circuit of Fig. 2.33a, wherein new voltage sources

V1

V1

V2

V2

C4 C5

Rs

Rs

RL

L1

L1

L2

L2

C1 C2 C3

Vi

Vi

Vo

Vo

+

–

+

–

+

–
(V1C4+VoC5)/
(C4+C2+C5) V3C5/(C5+C3)

RL

C1+C4

C3+C5

C2+C5+C4

V3C2/(C4+C1)

A6

A5

A2

Ra Rs

L1
L2

RLRa
C5

C5

C4
– +

– +– +

– +

– +– +– +

C3+C5

C2+C5+C4

C1+C4

RS

RL

Ra Ra Ra Ra

R′

R′

RL

RL

R′

RS

RS

A3

RS

–V1

V2 –Vo

V3 V4

Vi

A1

C4
A4

A7

a

b

c

Fig. 2.33 (a) A passive RLC fifth-order elliptic low-pass ladder filter prototype, (b) an equivalent

of (a), and (c) leap-frog active ladder filter derived from (b)
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are introduced. Also, note that the original grounded capacitor values C1,C2, and C3

are increased. This circuit can be realized by the active RC filter of Fig. 2.33c in

which the two pairs of cross-coupling capacitors facilitate the realization of the two

pairs of transmission zeroes. Note that for each floating capacitor in the prototype,

we have used two cross-coupling capacitors. However, it has been shown by

Allstot, Brodersen, and Gray [2.60] that the mismatch of these capacitors does

not affect the frequency response of the realized filter.

Example 2.11 Plot the frequency response of (a) the third-order elliptic ladder

filter using SPICE and (b) leap-frog simulation of this filter considering the opamps

to be nonideal. (c) Use an Akerberg–Mossberg type integrator for the middle

integrator and evaluate the behavior.

*Third Order RLC Elliptic filter

Rs 1 22 1,000

RL 23 0 1,000

C21 22 0 1,203 pf

L21 22 23 962 uh

C22 22 23 201 pf

C23 23 0 1,203 pf

The operational simulation yields the active RC filter of Fig. E.2.11a. It can be

seen that there is undesirable peaking at the pass-band edge and the transmission

zero is obscured. The use of the Akerberg–Mossberg type of noninverting integra-

tor improves the frequency response as shown (see Fig. E.2.11b).

* Third order leap-frog ladder filter

R1 1 2 1 K

R7 8 2 1 k

A3

A2

C3

C4

C5

– +

– +

– +– +

C1

C2

R8

R9

R1

R7

R6

R5

R3

R2

R4

–V1

V2

V3

Vi

A1

A4

1 2 8

3

7

9

6

5

4

Fig. E.2.11a
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R2 2 3 1 k

C1 2 3 1,404 pf

C2 8 7 962 pf

R6 6 7 1 k

R5 4 6 1 k

R3 3 4 1 k

R4 4 5 1 k

R8 8 9 1 k

R9 9 5 1 K

C3 9 5 1,404 pf

C4 2 5 201 pf

C5 3 9 201 pf

E1 0 10 2 0 100,000

R10 10 11 1 k

C6 11 0 15.9 uf

E2 3 0 11 0 1

E3 0 12 4 0 100,000

R11 12 13 1 k

C7 13 0 15.9 uf

E4 6 0 13 0 1

E5 0 14 7 0 100,000

R12 14 15 1 k

C8 15 0 15.9 uf

E6 8 0 15 0 1

E7 0 16 9 0 100,000

R13 16 17 1 k

C9 17 0 15.9 uf

E8 5 0 17 0 1

vin 1 0 ac 1 v

.ac dec 10 1 1,000 k
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R6

C2

A3

A2

R5

C3

C4

C5

− +

+ −

− +− +

C1R2

R3 R4

R7

R8R1

−V1

V2

V3

Vi

A1

A4

R9

1 2

8

3

7

9

6

5

4

Fig. E.2.11b

* Third order leap-frog ladder filter Akerberg–Mossberg

R1 1 2 1 K

R7 6 2 1 k

R2 2 3 1 k

C1 2 3 1,404 pf

C2 4 8 962 pf

R5 6 7 1 k

R6 7 8 1 k

R3 3 4 1 k

R4 4 5 1 k

R8 6 9 1 k

R9 9 5 1 K

C3 9 5 1,404 pf

C4 2 5 201 pf

C5 3 9 201 pf

E1 0 10 2 0 100,000

R10 10 11 1 k

C6 11 0 15.9 uf

E2 3 0 11 0 1

E3 12 0 4 0 100,000

R11 12 13 1 k

C7 13 0 15.9 uf

E4 6 0 13 0 1

E5 0 14 7 0 100,000

R12 14 15 1 k
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C8 15 0 15.9 uf

E6 8 0 15 0 1

E7 0 16 9 0 100,000

R13 16 17 1 k

C9 17 0 15.9 uf

E8 5 0 17 0 1

vin 1 0 ac 1 v

.ac dec 10 1 1,000 k

2.9.3.2 Band-Pass Filters

It may be pointed out that using low-pass to band-pass transformation, from the

low-pass all-pole filter structure of Fig. 2.32a, we can obtain the band-pass filters.

Note that LP to BP transformation transforms a lossless integrator to a resonator

with infinite Q whereas a damped integrator is converted to a resonator with finite

Q. The LP to BP transformation is given as s ! s2 þo2
o

Bs where the cutoff frequency of

the prototype low-pass filter is 1 rad/s, oo is the desired center frequency of the

band-pass filter, and B is the 3-dB bandwidth of the desired band-pass filter.

Note that this transformation yields geometrically symmetric responses which

means that there are two frequencies o1, o2 corresponding to a given gain such

that oo ¼ ffiffiffiffiffiffiffiffiffiffiffiffiffi
o1 o2

p
. Using the LP to BP transformation, an integrator and first-order

low-pass filter will yield, respectively,

1

s
! Bs

s2 þo2
o

and
a

sþ a
! aBs

s2 þaBsþ o2
o

For operational simulation of BP filters from the LC prototype, the signs of the

integrators in the low-pass prototype need to be preserved. Moreover, the
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summation of the inputs as needed in a low-pass filter needs to be done in the case

of a band-pass filter as well.

The nodal voltages V1 and V3 can be expressed first from the prototype of

Fig. 2.34a as follows.

Vi

Rs
� V1

1

Rs
þ sðC1 þC2Þ

� �
þ V3 s C2 þ V3 �V1ð Þ

s L2
¼ 0 (2.121a)

V1 s C2 �V3 s C2 þC3ð Þ � V3

RL
þ V1 �V3

s L2
¼ 0 (2.121b)

By substituting for s, the LP to BP transformation
s2 þo2

oð Þ
Bs ; we obtain the

following two equations after little manipulation:

s Vi B

ðC1 þC2ÞRs

� V1 s2 þ sB

ðC1 þC2ÞRs

þ o2
o

� �
þ V3 s2 þo2

o

� � C2

ðC1 þC2Þ

þ V3 �V1ð Þ s2 B2

ðC1 þC2Þ s2 þo2
o

� �
L2

¼ 0 ð2:122aÞ

V1 s2 þo2
o

� � C2

ðC2 þC3Þ � V3 s2 þ sB

ðC2 þC3ÞRL

þ o2
o

� �

þ V1 �V3ð Þ s2 B2

ðC2 þC3Þ s2 þo2
o

� �
L2

¼ 0

(2.122b)

These equations can be implemented by the block diagram of Fig. 2.34b. Any

well-known biquad can be employed in the band-pass filter realization. The use of

the Tow–Thomas biquad for this purpose is shown in Fig. 2.34c in the complete

sixth-order band-pass filter derived from a third-order all-pole low-pass prototype

active RC filter. Note that the low-pass prototype can be scaled first for optimal

dynamic range and the resulting LP prototype circuit can be used directly to obtain

the band-pass filter that will yield an optimal dynamic range solution at the nodes

of the corresponding third-order prototype. However, for high pole-Q designs,

within the three two-integrator loops, scaling needs to be done by choosing equal

time constants for the integrators.

2.9.4 Operational Simulation of High-Pass Filters:
Yoshihoro’s Technique

The techniques presented above do not work easily for realizing high-pass filters.

Some solutions have been suggested in the literature but they are very complex.

The reader is referred to Brackett and Sedra [2.1] for more information.

Yoshihoro’s nodal voltage simulation technique [2.61] can be used to realize
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(C1+C2)/Β

(C2+C3)/C2

(C1+C2)/C2

(C1+C2)wo

B
B

C2/B

RL

1

–V1

1

– +

1
– +

– +

V3

R1

– +

1
– +

– +

1

Vy

L 2w2
o

BRs

1

– +

1

– +

– +

1

Vy

Rs Rs

Rs

Rs

L2/(BRs)

1

1 1

1

1

C2/B

(C2+C3)/Β

(C2+C3)w2
o

Vi

C3

RS

C1

V3

L2

RL

V1

+
V3

(s2+ωo
2)C2 (s2+w2)L2 (s2+wo

2)C2
ω 2

o

1

s2+ +
−

Vi

sB

sB

sB

sB
(C1+C2)Rs

(C1+C2)Rs

Bs 1
sBs2+ +
−

-V1

(C1+C2)

(C1+C2)

(C3+C4)

(C2+C3)
(C2+C3)RL

wo
2

a

b

c

Fig. 2.34 (a) A third-order all-pole low-pass filter, (b) block diagram obtained by LP to BP

transformation from (a), and (c) complete sixth-order band-pass active RC filter obtained from (b)

(b Adapted from [2.63] #IEE 1980)
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high-pass filters based on RLC ladder filters [2.62]. Consider the prototype third-

order elliptic high-pass shown in Fig. 2.35a. The equations for the node voltages Vx

and Vo can be easily written in terms of the neighboring node voltages as follows by

simple analysis.

C2

Vi

Vi

Vo

Vo

R1

T1 T2 T3

R2L1

L2

L3

Vx

Vx

– +

– +

– +

BP input

Notch
input output

a

b

c

Fig. 2.35 (a) A third-order elliptic high-pass filter, (b) block diagram of filter obtained using

Yoshihoro’s technique, (c) second-order active RC BP/notch filter that can be used in (b),

(d) complete high-pass filter, and (e) equivalent model of (d) (Adapted from [2.62] #IEE 1988)

102 2 Active RC Filters Using Opamps



Vx ¼ Vi

s
C2 R1

s2 þ s
C2 R1

þ 1
C2

1
L1
þ 1

L2

� �
0
@

1
Aþ Vo

s2 þ 1
L2 C2

s2 þ s
C2 R1

þ 1
C2

1
L1
þ 1

L2

� �
0
@

1
A

¼ Vi T1 þVo T2 (2.123a)

V0 ¼ Vx

s2 þ 1
L2 C2

s2 þ s
C2 R2

þ 1
C2

1
L2
þ 1

L3

� �
0
@

1
A ¼ Vx T3 (2.123b)

Thus these two equations enable us to construct the block diagram of Fig. 2.35b

where T1, T2, and T3 are biquadratic transfer functions. Note also that T1 and T2
share the same denominator. The Tow–Thomas biquad circuit with appropriate

1

–Vx

Vx

(L1+L2)/ L1

(L2+L3)/ L3

C2

C2

C2 C2

C2

1– +

– +

– +

Vi

Vi

R1

R1

R2

R1 R2

1

1

1
– +

– +

– +

Vo 1

1

L1L2/(L1+L2)

L1L2/(L1+L2)

L2L3/(L2+L3)

L2L3/(L2+L3)

1

Vy

Vz

Vo

VoL1/(L2+ L2) VxL2/(L2+ L3)

+ +

– –

d

e

Fig. 2.35 (continued)

2.9 Active Filters Based on RLC Ladder Filters 103



feedforward branches as shown in Fig. 2.35c can realize a band-pass and notch

transfer function at the same output terminal, however, with a negative sign (i.e.,

�Vx is realized). A similar circuit with only the input to realize a notch transfer

function, can be used to realize (2.123b). Since this transfer function also is an

inverting type, the desired Vo will be realized. Interconnection of these two second-

order filters will realize the complete band-pass filter as shown in Fig. 2.35d. Note

that as compared to the low-pass elliptic filter, two opamps forming a noninverting

integrator are additionally needed. The equivalent circuit realized can be drawn as

shown in Fig. 2.35e.

Note that in the case of all-pole high-pass filters, the inductor L2 will be absent
and hence, the resistors (L1 þ L2)/L1 and (L2 þ L3)/L3 are not needed (they do not

exist) and the capacitor values L1L2/(L1 þ L2) and L2L3(L2 þ L3) become L1 and
L3, respectively. The voltages Vy and Vz correspond to the currents through the

shunt inductors in the equivalent circuit of Fig. 2.35e which need to be estimated to

determine their peak values to facilitate scaling for optimal dynamic range.

2.9.5 Operational Simulation of General-Parameter
Ladder Filters

Note that Yoshihoro’s method can easily be used for general-parameter ladder

filters as well [2.63]. Note that these general-parameter filters are not derived

from the low-pass prototypes using frequency transformation. As an illustration,

consider the twelfth-order band-pass filter of Fig. 2.36a. The block diagram shown

in Fig. 2.36b can be easily obtained. The various band-pass and notch transfer

functions are as follows.

Biquad 1:

Ti1 ¼
s

C2 Rs

s2 þ s
C2 Rs

þ 1
C2

1
L1
þ 1

L2

� �
0
@

1
A (2.124a)

T31 ¼
s2 þ 1

L2 C2

s2 þ s
C2 Rs

þ 1
C2

1
L1
þ 1

L2

� �
0
@

1
A (2.124b)

Biquad 2:

T13 ¼ C2

C2 þC3 þC4

s2 þ 1
L2 C2

s2 þ 1
C2 þC3 þC4ð Þ

1
L2
þ 1

L4

� �
0
@

1
A (2.124c)
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T53 ¼ C4

C2 þC3 þC4

s2 þ 1
L4 C4

s2 þ 1
C2 þC3 þC4ð Þ

1
L2
þ 1

L4

� �
0
@

1
A (2.124d)

Biquad 3:

T35 ¼ C4

C4 þC5 þC6

s2 þ 1
L4 C4

s2 þ 1
C4 þC5 þC6ð Þ

1
L4
þ 1

L6

� �
0
@

1
A (2.124e)

T05 ¼ C6

C4 þC5 þC6

s2 þ 1
L6 C6

s2 þ 1
C4 þC5 þC6ð Þ

1
L4
þ 1

L6

� �
0
@

1
A (2.124f)

Biquad 4:

T50 ¼ C6

C6 þC7

s2 þ 1
L6 C6

s2 þs 1
C6 þC7ð ÞRL

þ 1
C6 þC7ð Þ

1
L6
þ 1

L7

� �
0
@

1
A (2.124g)

Vi

Rs

RL

L1

Vo

L2 L4

L7

V1 V3 V5

C2

C3 C5

C7

C4 C6

V5V1

Ti1      T31

Vi
V3 Vo

T13            T53
T50T35 T05

a

b

Fig. 2.36 (a) A general-parameter filter prototype, (b) block diagram of the filter obtained from

(a) using Yoshihoro’s method (Adapted from [2.63] #IEEE 1980)
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Since only band-pass and notch transfer functions are needed, the biquad of

Fig. 2.35c can be used to obtain the complete circuit. Note that scaling can be done

easily by knowing the maxima of all the voltages at various nodes in the prototype

circuit. There is no need to compute the various inductor currents.

2.10 Multiloop Feedback-Based Active RC Filters

We next consider another technique for realizing high-order filters with low

sensitivity. This is known as multiple-loop feedback [2.64]. There are various

options available for the filter designer choosing this technique. These are

discussed next.

2.10.1 FLF (Follow-the-Leader Feedback)

The follow-the-leader feedback structure is shown in Fig. 2.37a. This structure is

designed to realize a low-pass prototype transfer function at output Vo. Usually, for

convenience all the blocks T1 � Tn can be chosen to be identical. Using LP to BP

transformation, a 2nth-order band-pass filter can be realized. The multipliers bi and
summer are realized using one opamp and various resistors. The various qis can be

positive or negative depending on the required transfer function. The transfer

function of this circuit can be derived as

Vo

Vi
¼ � p1 b1 þ b2 T1 þ b3 T1 T2 þ b4 T1 T2 T3ð Þ

1þ q1 T1 þ q2 T1 T2 þ T1 T2 T3 q3
(2.125)

Considering a first-order low-pass filter with transfer function a
sþa to be used for

all Tis, the denominator of the transfer function can be seen to be (after multiplying

with (s + a)3)

DðsÞ ¼ s3 þ s2 að3þ q1Þ þ s a2 ð3þ 2 q1 þ q2Þ þ a3 ð1þ q1 þ q2 þ q3Þ (2.126)

From the desired denominator of the transfer function, the various qi values and
a need to be determined. The next step is to determine various bi values to obtain

the desired transfer function by matching the coefficients of s, s2, and s3 terms in the

numerator. In the third-order case, the equations obtained are linear and can be

solved for q1, q2, and q3 choosing a. Solutions that give positive values for various
qi are preferable to avoid additional opamps. The value of a can be chosen so that q1
is positive and iteratively, q2 and q3 values can be calculated by matching the

coefficients. Note that all the blocks can also have different transfer functions.
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The individual blocks are of second-order band-pass type after LP ! BP trans-

formation and have the same center frequency oo. Their transfer function with pole-

frequency normalized oo to unity is given by

Ti ðsÞ ¼ Hi

s
Qi

� �
s2 þ s

Qi
þ 1

(2.127)

where Hi is the midband gain.

–

+
T1 T2 T3

Σ

R

R/p1

R/p1

R/q2

R/q3

R/q1

R/q2

R/q3

Vi

β2 β3

β4β1

Vo

–

+

Σ

RVi

T1

Vo

T1 T1

β1 β4

β3β2

a

b

Fig. 2.37 Multiple-loop feedback structures of various types: (a) FLF, (b) PRB, (c) SCF,

(d) MLF, (e) IFLF, and (f) MSF ((d–f) Adapted from [2.64] #IEEE 1979)
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Fig. 2.37 (continued)
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2.10.2 PRB (Primary Resonator Block) Structure

The PRB (primary resonator block) shown in Fig. 2.37b is a special case of FLF and

is obtained by deleting the first feedback loop, that is, by making q1 ¼ 0. Note also

that all blocks are identical in this case. For the third-order case, from (2.126), we

obtain the denominator of the transfer function as

DðsÞ ¼ s3 þ3a s2 þ s a2 ð3þ q2Þ þ a3 ð1þ q2 þ q3Þ (2.128)

Thus, a can be obtained from the desired denominator of the transfer function

directly and using this value, q2 and q3 can be determined. This structure is easier

to design. Note that the use of identical blocks reduces the engineering effort such

as the design of the filter and enhances reproducibility. The circuit cannot be

scaled for optimal dynamic range since all blocks have the same gain Hi. As an

illustration for the realization of the third-order Butterworth transfer function

whose denominator is s3 + 2s2 + 2s + 1, the design values are a ¼ 2/3, q2 ¼ 3/2,

and q3 ¼ 7/8.

2.10.3 SCF (Shifted Companion Form) Structure

We next consider another multiloop feedback technique as shown in Fig. 2.37c.

Note that this structure is a modification of FLF obtained by removing the first

feedback loop and making all the blocks T2, T3, . . ., Tn�1, Tn identical whereas T1 is

F2

T3Vi

F1

VoT1 –T2

f

Fig. 2.37 (continued)
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different. Denoting the gain of the block T1 as H1 and that of the other blocks as H2,

the resulting denominator of the transfer function is given as

DðsÞ ¼ s3 þ3a s2 þs a2 ð3þ q2 H1 H2Þ þ a3 ð1þ q2 H1 H2 þ q3 H1 H2
2Þ
(2.129)

A comparison of (2.128) and (2.129) shows that although the a value is the same,

q2H1H2 and q3H1H2
2 can be determined iteratively. The additional degrees of

freedom in H1 and H2 can help to optimize the dynamic range.

2.10.4 Multiloop Feedback (MLF) Structure

The multiloop feedback (MLF) structure shown in Fig. 2.37d is similar to the

leap-frog structure. However, note that in the leap-frog structure, the intermediate

blocks have an infinite Q-factor and terminating blocks have a finite pole-Q. On
the other hand, in a MLF structure, the individual blocks can have finite pole-Qs.
This may be a benefit in practical situations where nonidealities of active or

passive devices make the circuit Q finite. Note that the feedforward portion is

not shown in Fig. 2.37d.

2.10.5 IFLF (Inverse Follow-the-Leader Feedback) Structure

In the IFLF (inverse follow-the-leader feedback) structure of Fig. 2.37e, the output

is weighted and fed to the inputs of various blocks. The transfer function of this

circuit can be seen to be

Vo

Vi
¼ � T3

1þ F2 T2 T3 þF1 T1 T2 T3

(2.130)

Note that this transfer function is similar to that of the FLF structure given in

(2.125) with q1 ¼ 0.

2.10.6 MSF (Minimum Sensitivity Feedback) Structure

We finally consider a generalized version known as MSF (minimum sensitivity

feedback) shown in Fig. 2.37f from which all other configurations can be derived.

The transfer function of this circuit is given as
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Vo

Vi
¼ � T1 T2 T3

1þ F2 T1 T2 þF3 T2 T3 þF1 T1 T2 T3

(2.131)

Laker, Schaumann, and Ghausi [2.64] have thoroughly investigated all these

structures given in Fig. 2.37a–f. Their recommended design procedure is to choose

all the center frequencies the same. The gains and Qis can, however, be different

and chosen a priori. Then, the feedback coefficients are selected to minimize the

sensitivity of the realized filters. The sensitivity can be considered to be of two

parts: one due to the individual Ti block and another due to the feedback. Their

sensitivity evaluation considered the passive sensitivities only. They have also

assumed that statistical correlation among components exists only within a section.

The PRB type, FLF, and IFLF types do not need any sensitivity optimization.

Only MSF-type filters need optimization. In these, the high-Q sections are not

necessarily most critical. Optimized LF and MLF active filters yield the lowest

sensitivities in the pass-band. Optimized FLF active filters generally yield lower

sensitivities than LF designs at the band edges and in the stop-band. The typical

results for a three-section Butterworth band-pass filter are presented in Fig. 2.38.

It can be seen that the RLC filter exhibits good performance and cascade design

is poorest among these. Among others, FLF gives the best performance. The reader

is referred to [2.64] for an exhaustive discussion on the design of multiloop

feedback filters.

2.11 Noise in Active RC Filters

The dynamic range of active RC filters is limited by the noise in active RC filters.

The noise arises because of two sources: (a) resistor noise (also called inherent
noise excluding noise of resistors used for canceling dc offset), and (b) noise due to
opamp. The opamp noise can be modeled by an input referred noise voltage source

and noise current source as shown in Fig. 2.39b whereas a resistor noise can be

modeled as shown in (a). The contribution due to the noise current source is

dependent on the resistances in the active RC filter whereas the noise voltage

source is independent of the resistances. The noise voltage and current sources

are specified by the noise power spectral density expressed as voltage square/Hertz

and current square/Hertz. Thus, depending on the frequency band of measurement,

these will be weighted to obtain the total noise by adding them since they are

uncorrelated. The resistor noise of a resistor R is modeled by a noise voltage source

enr in series with an ideal noise-free resistor R and the power spectral density is

expressed as

e2nr ¼ 4kTRB (2.132)

where k is Boltzmann’s constant 1.3806503 � 10�23 J/K and T is the absolute

temperature in degrees with B the bandwidth of the measurement.
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Fig. 2.39 Noise models (a) of a resistor, and (b) of an opamp

Fig. 2.38 Monte Carlo simulation results of sixth-order Butterworth (three-section) filters of

different topologies with passive component tolerance assumed 1.732% (Adapted from [2.64]

#IEEE 1979)
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The noise analysis of active devices and resistors can be carried out in one

analysis and then estimated [2.65, 2.66]. As an illustration, consider the single

amplifier band-pass filter of Fig. 2.40a. The noise equivalent circuit is as shown in

Fig. 2.40b. Analyzing the circuit in the usual manner, considering the noise voltage

source as a noise voltage and noise current source as a current without worrying

about the fact that they are power spectral densities, first the node equations can be

written as follows.

eR1
R1

þ Vo s C1 þ en1 s C2 ¼ Vx
1

R1

þ sðC1 þC2Þ
� �

(2.133a)

Vo þ eR2

R2

þ Vx s C2 þ In2 ¼ en1
1

R2

þ s C2

� �
(2.133b)

Solving these two equations, we obtain

Vo ¼ �

eR1 s
C1 R1

þ eR2

1
C1C2 R1 R2

þ sðC1 þC2Þ
C1C2 R2

� �
� en1

s
C1 R1

þ sðC1 þC2Þ
C1C2 R2

þ s2 þ 1
R1 R2 C1C2

� �
þ In2

1
C1C2 R1

þ sðC1 þC2Þ
C1C2

� �
0
@

1
A

s2 þ sðC1 þC2Þ
R2 C1C2

þ 1
R1 R2 C1C2

(2.134a)

Vx

R1 eR1
2

–

+

In1

In2

en1

eR2
2

Vo
C2

–

+R1

R2

C2

C1

C1 R2

a

b

Fig. 2.40 (a) A multiple feedback active RC filter, and (b) circuit of (a) with various noise sources
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It can be seen that the four noise sources have different noise transfer functions.

We next express (2.134a) as

Vo ¼ � eR1 H1 ðsÞþeR2 H2 ðsÞ þ en1 H3 ðsÞ þ In2 H4 ðsÞð Þ (2.134b)

Note thatH1(s),H2(s), andH3(s) are dimensionless whereasH4(s) corresponds to
a resistance. The total output noise ent can be found as

e2nt ¼
e2R1

Z 1

0

H1 ðjoÞj j2doþ e2R2

Z 1

0

H2 ðjoÞj j2doþ e2n1

Z 1

0

H3 ðjoÞj j2do

þ I2n2

Z 1

0

H4 ðjoÞj j2 do

0
BB@

1
CCA

(2.135)

Bruton, Trofimenkoff, and Treleaven [2.65, 2.66] have given closed-form

expressions for these integrals for general biquadratic transfer functions. The

low-pass and band-pass transfer functions have simple solutions:

Z 1

0

sop

s2 þs
op

Qp
þ o2

p













2

s¼jo

do ¼ Qp pop

2
(2.136a)

Z 1

0

o2
p

s2 þs
op

Qp
þ o2

p













2

s¼jo

do ¼ Qp pop

2
(2.136b)

Applying these relationships, corresponding to a general biquadratic transfer

function given as

HðsÞ ¼ a s2 þbsþ c

s2 þs
op

Qp

� �
þ o2

p

(2.137)

we obtain the noise spectral density as

H1 ðjoÞj j2 ¼ a2 þ
o2 o2

p
b2 �2ac

o2
p

� a2

Q2
p

þ 2 a2
� �

D
þ
o4

p
c2

o4
p
� a2

� �
D

(2.138)

where

D ¼ o4 þo2
o2

p

Q2
p

� 2o2
p

 !
þ o4

p (2.139)
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Hence, (2.138) can be written as

H1 ðjoÞj j2 ¼ a2 þ b2 �2ac

o2
p

� a2

Q2
p

þ 2 a2

 !
HBP ðjoÞj j2 þ c2

o4
p

� a2

 !
HLP ðjoÞj j2

¼ a2 Bx þ b2 �2ac

o2
p

� a2

Q2
p

þ a2 þ c2

o4
p

 !
HBP ðjoÞj j2

(2.140)

where Bx is the measurement bandwidth since from (2.136a) and (2.136b),R1
0

HLP ðjoÞj j2do and
R1
0

HBP ðjoÞj j2do are the same. Thus from (2.140), it

follows that

H1 ðjoÞj j2 ¼ a2 Bx þ b2 �2ac

o2
p

� a2

Q2
p

þ a2 þ c2

o4
p

 !
Qp pop

2
(2.141)

As an illustration, for the high-pass case (b ¼ c ¼ 0), we have

H1 ðjoÞj j2 ¼ a2 Bþ � a2

Q2
p

þ a2

 !
Qp pop

2
(2.142)

For the noise source eR2, matching the noise transfer function (2.134a) with

(2.137), we note that a ¼ 0; b ¼ C1 þC2

C1 C2 R2
; c ¼ 1

C1 C2 R1 R2
and from the general

formula (2.141), we obtain the noise as e2R2
1þ C1 þC2ð Þ2 R1

C1 C2 R2

� �
HLP ðjoÞj j2 . In a

similar manner, we obtain the total noise of the circuit of Fig. 2.40a from (2.135) as

e2tn ¼ e2R1

1

o2
p C2

1 R2
1

HLP ðjoÞj j2 þ e2R2
1þ C1 þC2ð Þ2 R1

C1 C2 R2

 !
HLP ðjoÞj j2

þ i2n2 R2
2 þ

C1 þC2ð Þ2 R1 R2

C1 C2

 !
HLP ðjoÞj j2

þ e2n1 Bx þ HLP ðjoÞj j2 1

o2
p C2

1 R2
1

þ 2

op Qp C1
R1

 ! !
(2.143)

Substituting for the integrals using (2.136), we have

e2tn ¼
e2R1

1
o2

p C2
1 R2

1

þ e2R2
1þ C1 þC2ð Þ2 R1

C1 C2 R2

� �
þ i2n2 R2

2 þ C1 þC2ð Þ2 R1 R2

C1 C2

� �
þ e2n1

1
o2

p C2
1 R2

1

þ 2
op Qp C1

R1

� �
0
BB@

1
CCAQp pop

2

þ e2n1 Bx ð2:144Þ
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It is seen that the active noise (decided by in2 and en1) and passive noise (decided
by eR1 and eR2) are dependent on the resistor and capacitor values. These can be

optimized by appropriate design.

In active RC filters, the active noise can be made low by using low-noise opamps

so that the resistor noise is dominant.

Consider, for example, the case C1 ¼ C2. Evidently, for this choice in the circuit

of Fig. 2.40a, we have Qp ¼ 1
2

ffiffiffiffi
R2

R1

q
and op � ¼ 1

2Qp C1 R1
yielding from (2.144),

e2tn ¼
2kT

p
R2 2þ 1

Q2
p

 ! !
þ i2n2 R2

2 1þ 1

Q2
p

 !
þ e2n1 4Q2

p þ4
� � !

Qp pop

2
þ e2n1 Bx

(2.145)

Generally in1 and in2 of the opamp will be very small, typically 0.1pA/
ffiffiffiffiffiffi
Hz

p
, and

hence the term containing in1 can be neglected. As an illustration, for realizing

Qp ¼ 5 and a pole-frequency fp ¼ 1,000 Hz, we obtain R2

R1
¼ 100. Next, choosing

R1 ¼ 1 KΩ and R2 ¼ 100 KΩ and considering C1 ¼ C2 ¼ C, we have C ¼ 15,923

pF. Considering a typical opamp with en1 ¼ 15 nV/√Hz, the total noise can be

found from (2.145) as

e2tn ¼ ð1155:673þ 26:53Þ 10�12

where the first term is inherent noise (passive noise) and the second term is active

noise. The rms noise can be found by finding the square root of ent
2 and is thus

34.38 mV. The active noise is more than the passive noise for this circuit.

For single-amplifier filters, Bachler and Guggenbuhl [2.67, 2.68] have suggested

that the passive noise can be modeled by a noise voltage source at the inverting

input of the opamp and the equivalent noise resistance can be estimated as Re 1
y22

� �
where 1

y22

� �
is the equivalent resistance at the inverting input of the opamp with the

opamp disconnected and grounding the terminal connected to the opamp output

terminal and input terminal of the filter (see Fig. 2.41a). As an illustration, for the

circuit of Fig. 2.41a, we have

Re
1

y22

� �
¼ R2 1þ o2 C2

2 R1 R2 þ2R2
1 C1 C2 þC2

2 R2
1 þC2

1 R2
1

� �� �
1� o2 R1 R2 C1 C2ð Þ2 þo2 C1 R1 þC2 R1ð Þ2 (2.146)

The noise can then be evaluated from the model shown in Fig. 2.41b. Note that

enp and ena are the active and passive noise contributions which have the same

transfer function that has already been derived in (2.134a) (see en1 term). Note that

the denominator in (2.146) cancels with the squared magnitude of the coefficient of

the en1 term in (2.134a) yielding the same result as before. The total passive noise
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can be estimated by integrating 2kT
p Re 1

y22

� �
Hn ðjoÞj j2 where Hn(s) is the transfer

function of the noise source to the output of the filter. The same result can be

obtained by combining the noise due to R1 and R2 in (2.144)

Bachler and Guggenbuhl [2.67, 2.68] have also pointed out that the noise

transfer function is the same as GSP which is shown next. Considering the circuit

of Fig. 2.42a, the transfer function can be written as

T ¼ � t31
t32 þ 1

A

(2.147)

where t31 is the transfer function of the three- terminal network at terminal 3 with

input given at terminal 1. The GSP can then be derived as

GSP ¼ A STA ¼ 1

t32 þ 1
A

ffi 1

t32
(2.148)

Next considering the noise source as shown in Fig. 2.42b, the transfer function is

given as

V0

en
¼ 1

t32
(2.149)

R1

In2

Y22C2

C1 R2

–

+

enp

R1

ena

R2

C2

C1

a

b

Fig. 2.41 (a) Circuit for

estimation of passive noise

of the active RC filter of

Fig. 2.40b, (b) complete

noise model
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From (2.148) and (2.149), we see that the GSP is the same as the noise transfer

function. Note from (2.148) that the GSP is a function of frequency. It may be

recalled that in our earlier definition of the GSP with respect to A, the finite gain of

the opamp, the GSP was found to be dimensionless. Even though the GSP defined

by (2.148) is frequency-dependent, it can be shown that the GSP value at the pole-

frequency is equal to the GSP with respect to A (i.e., ASQA). Thus minimizing the

GSP by the proper choice of resistors and capacitor values (spreads) to reduce the

active sensitivity will lead to minimization of active noise of an active RC filter, an

interesting result. It is useful to note that since the passive noise is also dependent on

Re 1
y22

� �
, optimization of the GSP alone may not reduce passive noise.

The total noise of the filter is the sum of active and passive noise. Bachler and

Guggenbuhl [2.67, 2.68] have shown that the total noise using the spread of

components as a degree of freedom can be computed and optimized. This is similar

to sensitivity optimization which has passive and active components. The reader is

referred to their work for more information.

The application of minimization of the GSP to reduce noise has been extended to

the minimization of distortion as well by Borys [2.73]. This aspect is considered

next after studying distortion in active RC filters.

We consider SPICE-based estimation of noise of active RC filters in the next two

examples.

Example 2.12 The noise voltage source will have thermal noise as well as 1/f noise
components. These can be modeled using resistor and diode noise biased in the

knee region. The amount of 1/f noise can be controlled by the value KF in the diode

model. The biasing voltage can be defined, for example, as V1 (¼ V2) ¼ 0.1 V and a

resistor R30 (and R31) is used in series with the diode D1 (and D2) to generate wide-

band noise. Two such independent circuits are used and the floating voltage

–

+

2
1                   3Vi

Vi

Vo

Vo

en
2

1                   3 –

+

a

b

Fig. 2.42 (a) Circuit for estimating the GSP of an active RC circuit, and (b) circuit for noise

estimation
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between these (nodes 59 and 61) is taken to remove the dc component. The noise

statement has an ac reference point which in this case is one zero voltage source v3
connected in series. The total noise as well as its various constituents such as diode

resistance noise, 1/f noise, resistor noise, and the like, can be found by the command

print all. The noise spectrum can be seen by the command plot ylog
onoise_spectrum. Note also that input referred noise also can be obtained.

*opamp voltage noise generation

V3 58 0 ac 0

V1 58 65 dc 0.1

V2 60 0 0.1

D1 65 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0 726.4

E1 1 0 59 61 1

.MODEL DIODE D(AF¼1.0,IS¼0.001F,KF¼1.667E-9)

.noise v(1) v3 dec 10 0.5 1000 1

*Opamp voltage noise generation

V3 58 0 ac 0

V1 58 65 dc 0.1

V2 60 0 0.1

D1 65 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0 726.4

E1 1 0 59 61 1

.MODEL DIODE D(AF¼1.0,IS¼0.001F,KF¼1.667E-9)

.noise v(1) v3 dec 10 0.5 1000 1
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Circuit: *Opamp voltage noise generation

TEMP¼27 deg C

Noise analysis . . . 100%
WinSpice 3 -> print all

inoise_total ¼ 2.534923e+06

inoise_total_d1 ¼ 6.683765e+04

inoise_total_d1_1overf ¼ 6.683765e+04

inoise_total_d1_id ¼ 1.685981e-03

inoise_total_d1_rs ¼ 0.000000e+00

inoise_total_d2 ¼ 6.686825e+04

inoise_total_d2_1overf ¼ 6.686825e+04

inoise_total_d2_id ¼ 1.686753e-03

inoise_total_d2_rs ¼ 0.000000e+00

inoise_total_r30 ¼ 1.200609e+06

inoise_total_r31 ¼ 1.200609e+06

onoise_total ¼ 2.534923e-14

onoise_total_d1 ¼ 6.683765e-16

onoise_total_d1_1overf ¼ 6.683765e-16

onoise_total_d1_id ¼ 1.685981e-23

onoise_total_d1_rs ¼ 0.000000e+00

onoise_total_d2 ¼ 6.686825e-16

onoise_total_d2_1overf ¼ 6.686825e-16

onoise_total_d2_id ¼ 1.686753e-23

onoise_total_d2_rs ¼ 0.000000e+00

onoise_total_r30 ¼ 1.200609e-14

onoise_total_r31 ¼ 1.200609e-14

Example 2.13 The analysis of a multiple feedback band-pass filter using the

opamp noise model obtained earlier is considered next. An offset compensating

resistor R3 is also used.

The complete noise model is in the subcircuit noisyopamp. Note that the opamp

input terminals have noisy current sources which do not have a 1/f component and

hence simple resistors can be used. The resistors R32 and R33 need to be in a closed

circuit and hence zero voltage sources V17 and V18 are connected across them. The

current sources are implemented by the statements FN1 in. 0 V18 1 and FN2 ninp

0 V17 1, respectively. As before the total output referred noise, input referred noise,

and noise spectrum can be found as shown. The band-pass filtering of the noise

spectrum is evident.

*Example MFB noise analysis

R1 1 2 62.5

R2 4 3 100 K

C1 2 3 1590 pf

C2 2 4 1590 pf

R3 71 0 62.5
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Xopamp1 4 71 3 noisyopamp

.subckt noisyopamp 70 ninp out

V1 58 0 dc 0.1

V2 60 0 dc 0.1

D1 58 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0 726.4

E1 70 in. 59 61 1

V17 62 0 0

V18 63 0 0

R32 62 0 73.6

R33 63 0 73.6

FN1 in. 0 V18 1

FN2 ninp 0 V17 1

E2 15 0 ninp inp 100,000

R4 15 16 1 k

C3 16 0 15.9 uf

E3 out 0 16 0 1

.ends noisyopamp

vin 1 0 ac 0

.noise v(3) vin dec 10 0.5 300,000 1

.MODEL DIODE D(AF¼1.0,IS¼0.001F,KF¼1.667E-9)

Circuit: *example MFB noise analysis

TEMP¼27 deg C

Noise analysis . . . 100%
WinSpice 4 -> print all
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inoise_total ¼ 2.408588e+14

inoise_total_d:xopamp1:d1 ¼ 2.305272e+08

inoise_total_d:xopamp1:d1_1overf ¼ 2.305261e+08

inoise_total_d:xopamp1:d1_id ¼ 1.118864e+03

inoise_total_d:xopamp1:d1_rs ¼ 0.000000e+00

inoise_total_d:xopamp1:d2 ¼ 2.305272e+08

inoise_total_d:xopamp1:d2_1overf ¼ 2.305261e+08

inoise_total_d:xopamp1:d2_id ¼ 1.118864e+03

inoise_total_d:xopamp1:d2_rs ¼ 0.000000e+00

inoise_total_r1 ¼ 6.830456e+10

inoise_total_r2 ¼ 1.758265e+11

inoise_total_r3 ¼ 6.852223e+10

inoise_total_r:xopamp1:r4 ¼ 1.096356e+02

inoise_total_r:xopamp1:r30 ¼ 7.963928e+11

inoise_total_r:xopamp1:r31 ¼ 7.963928e+11

inoise_total_r:xopamp1:r32 ¼ 5.818804e+10

inoise_total_r:xopamp1:r33 ¼ 2.388947e+14

onoise_total ¼ 2.408588e-06

onoise_total_d:xopamp1:d1 ¼ 2.305272e-12

onoise_total_d:xopamp1:d1_1overf ¼ 2.305261e-12

onoise_total_d:xopamp1:d1_id ¼ 1.118864e-17

onoise_total_d:xopamp1:d1_rs ¼ 0.000000e+00

onoise_total_d:xopamp1:d2 ¼ 2.305272e-12

onoise_total_d:xopamp1:d2_1overf ¼ 2.305261e-12

onoise_total_d:xopamp1:d2_id ¼ 1.118864e-17

onoise_total_d:xopamp1:d2_rs ¼ 0.000000e+00

onoise_total_r1 ¼ 6.830456e-10

onoise_total_r2 ¼ 1.758265e-09

onoise_total_r3 ¼ 6.852223e-10

onoise_total_r:xopamp1:r4 ¼ 1.096356e-18

onoise_total_r:xopamp1:r30 ¼ 7.963928e-09

onoise_total_r:xopamp1:r31 ¼ 7.963928e-09

onoise_total_r:xopamp1:r32 ¼ 5.818804e-10

onoise_total_r:xopamp1:r33 ¼ 2.388947e-06

2.12 Distortion in Active RC Filters

The large signal handling capability of active filters implies the use of components

that collectively exhibit a linear behavior, even though the active components may

be intrinsically nonlinear, such as bipolar transistors or MOS transistors. In a

differential amplifier, the basic element in the opamp, the nonlinearity arises for

two reasons: nonlinear V�I conversion of the input differential pair and the voltage

dependence of the output impedance of the cascade devices.
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If an opamp is overdriven by a large input signal, the output slews at some

limiting rate determined by internal currents and capacitances. If an applied sinu-

soidal input signal causes the output to have the maximum slope greater than the

slew rate of the opamp, the output will no longer be sinusoidal and will suffer

distortion. There can be slew-induced distortion (SID) of amplitude in the open-

loop mode of the amplifier operation but phase distortion may not exist. On the

other hand, in the closed-loop mode, both will exist. Under typical operating

conditions, the SID causes phase shift (phase lag) and an attenuation of the

fundamental component of the input signal at the output. In active RC filters, the

OA slew rate can cause distortion by creating harmonics and intermodulation

products. Such degradation can lead to instability and this phenomenon is called

“jump resonance.” In such a situation, the filter will exhibit two modes of operation

and will regeneratively switch back and forth between these two modes of

operation.

The distortion increases with increasing input signal level between the input

terminals of the opamp. The opamp input voltage, although small, will not be

negligible as has been seen earlier due to the finite gain and bandwidth of the

opamp. When this voltage reaches a certain threshold, nonlinearity increases.

Hence, it is important to reduce the differential input voltage of the opamp to a

small value. The distortion of the opamp can be considered to be at the output of the

opamp (output referred distortion) or at the input of the opamp (input referred

distortion). Thus the transfer function of distortion source to the opamp output in

the latter case is same as that of noise as seen in Fig. 2.42b. Thus minimizing the

GSP minimizes distortion and noise as well as sensitivity.

The effect of the output referred distortion can be evaluated by a figure of merit,

the distortion aggravation factor (DAG) introduced by Billam [2.69]. Evidently,

the transfer functions due to input referred distortion or output referred distortion
are related by the frequency-dependent finite gain of the opamp.

Consider the Sallen and Key active RC filter schematic of Fig. 2.43 wherein the

distortion is denoted by Uin. We evaluate DAG for this circuit as

DAG ¼ Vo

Uin
¼ s2 C1 C2 R1 R2 þsðC1 R1 þC2 ðR1 þR2ÞÞ þ 1

s2 C1 C2 R1 R2 þsðC1 R1 ð1� KÞ þ C2 ðR1 þR2ÞÞ þ 1
(2.150)

Thus, DAG will be maximum at the pole-frequency op given by

DAGMAX ¼ C1 R1 þC2 ðR1 þR2Þ
C1 R1 ð1� KÞ þ C2 ðR1 þR2Þ (2.151)

Evidently, DAG is 3Qp at the resonant frequency and is maximum at this

frequency for the choice R1 ¼ R2 ¼ R and C1 ¼ C2 ¼ C and K ¼ 3� 1
Qp

. On

the other hand, by choosing unequal resistor and capacitor values, DAG can be

reduced. Defining GSP ¼ K SQK , we have from the denominator of (2.150),
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GSP ¼ K2 C1 R1

C1 R1 ð1� KÞ þ C2 ðR1 þR2Þ (2.152)

Thus, DAG and GSP are related as

DAGMAX ¼ GSP
C1 R1 þC2 ðR1 þR2Þ

K2 C1 R1

� �
(2.153)

As an illustration, for R1 ¼ R2 ¼ R, C1 ¼ C2 ¼ C, we have GSP ¼ 9Qp and

DAG ¼ 3Qp. This can also be observed by noting that the GSP is the same as the

noise transfer function. If distortion is also input referred, it is the same as the GSP.

Vi VO

C
R

R

Uin
C

a

b

Fig. 2.43 (a) Sallen–Key active RC filter modeling input referred distortion, (b) plots of input

signal versus frequency for the Sallen–Key active RC filter with Q as a parameter (pole-frequency

10 KHz R1 ¼ R2 and C1 ¼ C2 using 741 opamp). ((b) Adapted from [2.71] #IEEE 1978)
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It can be seen that Billam’s technique [2.69] does not consider the nonidealities

of the opamp. Allen [2.70, 2.71] has suggested taking the bandwidth of the amplifier

into account, since due to the finite gain and bandwidth of the opamp, the differen-

tial input voltage at the opamp input terminals is finite and if it exceeds a particular

threshold value d, distortion sets in. As such, for a given input Mg, Allen suggests

evaluating the resulting d expressed as Mg/d which reaches a minimum at a

particular frequency. That minimum is less than d. Note that the differential input
voltage of the opamp is Vos/B. We consider the Sallen–Key filter of Fig. 2.43a once

again and evaluate the magnitude of Mg/d as

Mg

d
¼

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1� o2

n þ
Bn

3Qp �1

 !2

þ 3on þ
Bn Qp

3Qp �1
on � 1

on

� �2
 !2

vuut (2.154)

where on ¼ o
op

and Bn ¼ B
op

Typical curves for different pole-Qs are as shown in Fig. 2.43b for an example

considering fp ¼ 50 KHz. Thus for a pole-Q of 10, the input voltage must be less

than 140 mV assuming d ¼ 100 mV for a typical bipolar opamp mA741 so that SID
cannot set in. In a similar manner, the SID for other single-amplifier biquads can be

carried out. Beyond this threshold value, the active filters will exhibit jump reso-

nance. The reader is referred to Borys [2.72, 2.73, 2.74] for an explanation of the

relationship between various distortion measures.

Example 2.14 Determine the level at which SID may set in for the single amplifier

band-pass filter tunable using a resistor (see Fig. E.2.5b) using SPICE.

The input voltage maximum at the opamp inverting input can be found from the

frequency responses plotted in Fig. 2.43b. If it exceeds a certain level, slew-induced

distortion sets in.

*SA Bandpass distortion Allen’s method

vin 1 0 ac 1 v

R11 1 12 15900

R12 12 0 200

C11 12 13 1000 pf

C12 12 14 1000pf

R16 13 14 31800

E11 0 15 13 0 100000

R14 15 16 1 k

C13 16 0 15.9 uf

E12 14 0 16 0 1

.control

destroy all

let ii ¼ 0

while ii < 5
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alter R12 ¼ 200 + 100 * ii

ac lin 100 20k 60 k

let ii ¼ ii + 1

plot mag(ac1.v(13)) mag(ac2.v(13)) mag(ac3.v(13)) mag(ac4.v(13)) mag(ac5.v

(13))

end

.endc

2.13 Problems

P.2.1. A first-order all-pass filter can be obtained by using the circuit of Fig. P.2.1.

Analyze the circuit and compare it with the first-order all-pass filters using

the opamp of Fig. 2.8a, b. Show that the circuit of Fig. P.2.1b realizes a

second-order all-pass transfer function. Discuss the limitations of the

circuit.

P.2.2. A bridged-T RC network is shown in Fig. P.2.2a. Derive the transfer

function of this circuit and discuss its utility as a notch filter. The circuit

C

Vi

–Vi

R Vo

–

+

Vi
Vo

RA
RB

R1 C1

R2
C2

a b

Fig. P.2.1 (a) (b)
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can be modified to realize a notch or all-pass transfer function using the

configuration of Fig. P.2.2b. Analyze the circuit and determine the conditions

for realizing notch and all-pass transfer functions. Discuss the limitations of

this circuit. Positive feedback can be given to enhance the pole-Q using the

modification as shown in Fig. P.2.2c. Derive the transfer function and estab-

lish the relationship between the pole-Q and the amount of positive feedback.

Suggest a circuit for realizing mVi + qVo.

P.2.3. A parallel-T RC network is illustrated in Fig. P.2.3. Derive the transfer

function of the circuit. This is a third-order network. Find the condition for

pole-zero cancellation so that a second-order notch transfer function can be

realized.

P.2.4. Hilberman [2.75] has shown that input and ground can be complements in

an active RC filter. Using this concept, show that an all-pass filter can be

easily obtained from the Tow–Thomas biquad. Compare the circuit with

the all-pass filter realized using the feedforward technique in a

Tow–Thomas biquad (Fig. P.2.4).

P.2.5. Second-order active RC filters can be built around the GIC. Two such

circuits, Fig. P.2.5a due to Mikhael and Bhattacharya [2.76] and Fig. P.2.5b

Vi

C2

C1

Vo

R1 R2

C2

C1

Vi Vo

R1 R2

mVi

C2

C1

Vi Vo
R2R1

mVi+qVo

a

c

b

Fig. P.2.2

C2

Vi Vo
R1

R3

R2

C3

C1

Fig. P.2.3
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Padukone, Mulawka, and Ghausi [2.77] are shown below. Derive the

transfer functions of both these circuits together with design equations

and analyze the sensitivity of these filters due to opamp finite bandwidth.

P.2.6. A biquad due to Wilson, Bedri, and Bowron [2.78] based on two first-order

all-pass filters is presented in Fig. P.2.6. Derive the transfer function of the

–

+

–

+

–

+

R

QR

R

R R
C

Vi

C

R

Vo

Fig. P.2.4 (Adapted from [2.75] #IEEE 1973)
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V4
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V1

Vi
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b

Fig. P.2.5 (Adapted from [2.14] #IEEE 1984)
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circuit together with the design equations and analyze the effect of opamp

finite bandwidth on performance.

P.2.7. Analyze the effect of finite opamp bandwidth on the pole-frequency and

pole-Q of the active RC filter of Fig. 2.11b. Discuss the condition for

instability.

P.2.8. Analyze the active R filters of Fig. 2.27 considering a two-pole model of the

opamp. Discuss the stability of these circuits.

P.2.9. Derive the expressions for peak magnitude of the general second-order

transfer function given in Appendix B.

P.2.10. A current-input current-output circuit can be obtained from the voltage-

input voltage-output type active RC filter using voltage amplifiers (see,

e.g., Fig. P.2.10a) by using the adjoint technique. In this technique, the

output voltage terminal is fed the input current, the input voltage terminal is

grounded, and the output current is tapped at this terminal as shown in

Fig. P.2.10b. Discuss in which other cases the technique is applicable.

g2

G2C1 +

–

–+

+

–
g1

qr

g3

G′1
C′1G′′1

C′′1

g0

r
Vin

Vin Vin
V2

Fig. P.2.6 (Adapted from [2.14] #IEEE 1984)
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amplifier  

Vi Vo
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R1 R2

R2
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Current
amplifier 
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Iin

C1 C2
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b

Fig. P.2.10 (a) (b)

2.13 Problems 129



P.2.11. Derive expressions for the output noise of Tow–Thomas biquad of

Fig. 2.18a. Assume that all opamps are identical.

P.2.12. An all-pass network can be realized using the circuit [2.79] of Fig. P.2.12.

Derive the design equations and compare with the Steffen all-pass circuit of

Fig. 2.13. Choose m for obtaining the minimum GSP. Examine the effect of

the opamp finite bandwidth.

P.2.13. A high-order active RC filter due to Bach [2.80] using only unity gain

buffers is shown in Fig. P.2.13. Derive the transfer function of this circuit

and analyze the effect of finite bandwidth of the opamp. Suggest a design

procedure. Derive a high-pass filter from this circuit and the design

equations.

P.2.14. Denoting the pole of a second-order filter as p, with a denominator of the

transfer function given as s2 þs
op

Qp
þ o2

p , show that Dp/p in terms of

variations in pole-Q and pole-frequency is given by dp
p ¼ dop

op
� j dQ=Qffiffiffiffiffiffiffiffiffiffiffi

4Q2
p �1

p
[2.81]. This means that it is important to reduce

dop

op
which is 2Qp times

more than
d Qp

Qp
: Show also that

d TðsÞj j
TðsÞj j ¼

d Qp

Qp
þ j2Qp

dop

op
and also that

d TðsÞj j
TðsÞj j

¼ 2Qp
dp
p at the frequencyo ¼ op .

P.2.15. Considering single-pole and two-pole models for the opamps, evaluate the

bandwidth of both the amplifiers [2.82] of Fig. P.2.15a, b. Discuss the

stability and improvement in bandwidth.

R3=mR/β
C1=C

–Vi
Vo

R4=R

R5=x1R

R6=x2R

R1=R

R2=mR/(1-β)

C3=βC/m

C2=(1-β)C/m

Fig. P.2.12 (Adapted from

[2.79] #IEEE 1973)
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P.2.16. Analyze the performance of integrators using the compensated amplifiers

of Fig. P.2.16a–e using two and three opamps [2.83].

P.2.17. Analyze the finite gain amplifiers shown [2.84] in Fig. P.2.17a, b and derive

conditions to obtain the flat gain response.

P.2.18. Derive the expression for input impedance of the single-amplifier circuit

[2.85, 2.87] of Fig. P.2.18. Analyze the nature of the input impedance.

Considering the nonideal frequency response of the opamp, derive the input

impedance and compare it with the results using an ideal opamp.

P.2.19. Repeat the problem for the circuit [2.86, 2.87] of Fig. P.2.19. Compare the

results with those of Fig. P.2.18.

P.2.20. Derive the input impedance of the circuit [2.88] of Fig. P.2.20. Derive

conditions under which a grounded FDNR in series with a capacitor can be

realized.

P.2.21. Derive the transfer function of the active distributed network [2.89] of

Fig. P.2.21a derived from Sallen–Key and multiple feedback type active

RC filters. Using SPICE, simulate the frequency response and discuss the

design procedure to realize a given specification. Note that a uniform

distributed RC network can be modeled as a p network with irrational

impedances as shown in Fig. P.2.21b.

Note that Y ¼
ffiffiffiffiffiffi
sc=r

p
sinh

ffiffiffiffiffiffiffiffi
src d2

p and a shunt admittance of (P � 1)Y where P

¼ cosh
ffiffiffiffiffiffiffiffiffiffiffiffi
src d2

p
.

P.2.22. Analyze the positive impedance converter or active transformer [2.90] of

Fig. P.2.22 and derive an expression for input impedance when the load

impedance is ZL.

P.2.23. Show that the circuit of Fig. P.2.25 realizes a floating inductance [2.90].

Discuss the behavior with nonideal opamps.

P.2.24. Derive the transfer function of the circuit [2.90] of Fig. P.2.24 and discuss

its possible application.

Fig. P.2.15 (a) (b) (Adapted

from [2.82] #IEEE 1977)
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P.2.25. Derive the transfer functions of the 2 two-amplifier based filters [2.91] of

Fig. P.2.26 and analyze their sensitivity to passive components and gains k1

and k2.

Fig. P.2.16 (Adapted from [2.83] #IEEE 1987)
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Fig. P.2.17 (a) (b) (Adapted from [2.84] #IEEE 1980)

Fig. P.2.18 (Adapted from [2.87] #IEEE 1970)
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P.2.26. Derive the transfer function of the second-order filter [2.92] of Fig. P.2.26

using first-order all-pass networks. Compare with Tarmy–Ghausi modified

by the Moschytz realization (Fig. 2.25a).

P.2.27. Analyze the two-amplifier-based active RC filters [2.93] of Fig. P.2.27a, b.

Derive expressions for pole-frequency and pole-Q sensitivities.

P.2.28. Derive the transfer functions corresponding to both outputs of the active R

filter of Fig. P.2.28 [2.94]. Derive conditions for realizing low-pass, band-

pass, high-pass, notch, and all-pass transfer functions.

P.2.29. Derive the transfer functions of the transadmittance filters [2.95] of

Fig. P.2.29a, b. Convert them into voltage-mode filters and discuss their

utility.

P.2.30. A current conveyor is presented in Fig. P.2.30. This has the property that

Vx ¼ Vy, Iz ¼ Ix, and Iy ¼ 0. The input y is buffered and is available at the

x terminal with a series resistance of Rx. The input current is mirrored and

is available at the output terminal. The output terminal has finite output

resistance and output capacitance to ground. Derive (a) an integrator, (b) a

voltage amplifier, and (c) a current amplifier and obtain their transfer

functions. Determine the bandwidth in cases (b) and (c) (Fig. P.2.30).

P.2.31. A second-order filter using a current conveyor CCII is shown in Fig. P.2.31.

Derive its transfer function and sensitivity of pole-Q and pole-frequency to

finite voltage transfer gain between the y and x terminals, finite current gain

between the x and z terminals, and finite Rx and finite Ro and Co at the z
terminal.

Fig. P.2.19 (Adapted from

[2.87] #IEEE 1970)

Fig. P.2.20 (Adapted from

[2.88] #IEEE 1974)
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Fig. P.2.21 (a) (b) (Adapted from [2.89] #IEEE 1987)

Fig. P.2.22 (Adapted from [2.90] #IEEE 1971)
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Fig. P.2.24 (Adapted from [2.90] #IEEE 1971)

Fig. P.2.23 (Adapted from [2.90] #IEEE 1971)

Fig. P.2.25 (Adapted from [2.91] #IEEE 1971)
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P.2.32. Derive the current-output–current-input transfer function of the circuit

[2.96] of Fig. P.2.32. Analyze the effect of nonidealities of CCII.

P.2.33. Construct a state variable voltage mode and current mode biquad based on

the Tow–Thomas biquad using a second-generation current conveyor.

Derive the transfer functions and analyze the effect of nonidealities.

Fig. P.2.27 (a) (b) (Adapted from [2.93] #IEEE 1978)

Fig. P.2.26 (Adapted from [2.92] #IEEE 1968)
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Fig. P.2.29 (Adapted from

[2.95] #IEEE 1997)
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Fig. P.2.28 (Adapted from

[2.94] #IEEE 1977)
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P.2.34. Derive a CCII-based biquad exactly identical to a KHN active RC biquad.

(It should realize high-pass, low-pass, band-pass, and notch transfer

functions.)

R2

R1C2

Io
x

z
y

C1

–1

Fig. P.2.35 (Adapted from

[2.97] #IEEE 1987)
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Fig. P.2.38 (Adapted from

[2.98] #IEEE 1996)
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Fig. P.2.32 (Adapted from

[2.96] #IEEE 1990)
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P.2.35. Analyze the circuit of Fig. P.2.35 [2.97] and derive the condition for

oscillations. This uses a first-generation current conveyor denoted as CCI

which can be considered as a CCII with another current output that feeds

back to the y terminal; that is, Vx ¼ Vy, Iz ¼ Ix, and Iy ¼ �Iz.

P.2.36. A current conveyor CCII can be augmented with a buffer connected to the z
terminal y to provide a voltage output at the w terminal. This device is

known as CFOA. Derive the transfer function of a finite gain-inverting

amplifier using CFOA and evaluate its performance as compared with an

opamp-based finite gain-inverting amplifier. Also consider the current

mirror pole (between the x and z terminals) in your evaluation (Fig. P.2.36).

P.2.37. Discuss the stability of an integrator using CFOA considering the current

mirror pole and other parasitics Rx, Rt, and Ct. Note that x, y, and w corre-

spond to inverting input, noninverting input, and output of the CFOA,

respectively.

P.2.38. Derive the expressions for frequency of oscillation and condition for

oscillation for the CFOA-based oscillator [2.98] of Fig. P.2.38 by choosing

proper impedances for various Zis.

P.2.39. A FTFN (four-terminal floating nullor) [2.103] is a useful active element.

It is described as Vx ¼ Vy, Ix ¼ Iy ¼ 0, and Iw ¼ �Iz. An oscillator using

FTFN [2.99] is shown in Fig. P.2.39. Derive expressions for the frequency

x
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x
z

y
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B

Fig. P.2.40 (Adapted from

[2.100] #IEE 1998)
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Fig. P.2.39 (Adapted from

[2.99] #IEEE 1999)
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of oscillation and condition for oscillation. Analyze the circuit with resistor

R1 connected between the y and z terminals of the FTFN.

P.2.40. Derive the expression for the input impedance of the floating impedance

simulator [2.100] of Fig. P.2.40 considering the nonidealities of the current

conveyors.

P.2.41. A multifunction biquad using current conveyors due to Singh and Senani

[2.101] is presented in Fig. P.2.41. Derive all the transfer functions.
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Fig. P.2.42 (Adapted from
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P.2.42. The adjoint concept can be used to derive current mode circuits using

current amplifiers. Derive a current-mode biquad from the active RC filter

of Fig. P.2.42 due to Sedra, Ghorab, and Martin [2.102] and the Friend–De-

liyannis biquad of Fig. 2.11a.
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Chapter 3

OTA-C Filters

In this chapter we consider the design of active filters using operational transcon-

ductance amplifiers (OTAs). The symbol of the OTA is presented in Fig. 3.1a. The

output current of the OTA can be expressed as

Io ¼ Gm V1 �V2ð Þ (3.1)

Note that several current outputs may exist, which have the same relationship as

that shown in (3.1), but possibly with sign inversion as well, as shown in Fig. 3.1b.

The OTA, in practice, has finite frequency-dependent Gm, which is modeled by a

single-pole model or a pole-zero or two-pole model [3.1]:

Gm ¼ Gmo
1

1þ s
op1

� � ; Gm ¼ Gmo

1þ s
oz1

� �
1þ s

op1

� � ;
Gm ¼ Gmo

1

1þ s
op1

� �
1þ s

op2

� �
(3.2)

where op1 , op2 , and oz1 are the first and second poles and zero, respectively, and

Gmo is the dc transconductance. The OTA also has finite output resistance and

capacitance at each output terminal, and input resistance and capacitance at each

input terminal as shown in Fig. 3.1c, which needs to be taken into account in the

design of filters using OTAs.

It is useful to distinguish between an OTA and a transconductance (Gm).

An OTA is basically an operational amplifier (opamp) without a low-impedance

output stage (so that it can drive only a small capacitive load as is needed in

switched capacitor or OTA-capacitor [OTA-C] filters). It operates with virtually a

short at its input (i.e., with minute input signals) and its transconductance value is

irrelevant as long as its voltage gain is high. It thus can be treated as a voltage-mode

device. On the other hand, a transconductor is a voltage-controlled current source

P.V.A. Mohan, VLSI Analog Filters: Active RC, OTA-C, and SC,
Modeling and Simulation in Science, Engineering and Technology,
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and can handle linearly large input signals and deliver an output current. However,

in the literature, the term OTA-C filter is used extensively where the authors

actually mean Gm-C filter [3.2].

In practice, balanced output devices are used so that fully differential circuits can

be built.

3.1 OTA-C Integrators

The basic building block in a Gm�C filter is an integrator shown in Fig. 3.2a. The

transfer function of this integrator is given by

Vo

V1 �V2

¼ Gm

sC
(3.3a)

The pole-frequency or unity-gain frequency of the integrator is

oo ¼ Gm

C
(3.3b)

An integrator with differential input and differential output is shown in Fig. 3.2b.

The output current of this integrator is Io ¼ 2Vi Gm , which flows through the

integrating capacitor C. Thus, the differential output voltage developed is
2Vi Gm

sC
.

On the other hand, the circuit of Fig. 3.2c, which needs four times the capacitance

of the circuit of Fig. 3.2b, realizes the same transfer function. In addition, the circuit

+

−

−

−

V1
V1

V2
V2

Io

Gm1 Gm1

+ Io1
Io2
Io3

Ro1

+
Gm

Ri1

Ri2

Ci1

Ci2

Co1

a

c

b

Fig. 3.1 (a) Symbol of single current output OTA, (b) symbol of multiple current output OTA,

and (c) nonideal OTA model showing finite input and output impedances
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of Fig. 3.2c is not affected by the bottom-plate parasitics of the capacitor 2C,
whereas the circuit of Fig. 3.2b is sensitive to bottom-plate parasitics. This sensi-

tivity can be reduced by careful balancing of the parasitics by using two capacitors

in place of a single capacitor, as shown in Fig. 3.2d, whereby the bottom-plate

parasitics are shown in broken lines.

The parasitic output capacitance of the transconductor can be forced to near zero

ground potential by augmenting with an OTA-based integrator as shown in

Fig. 3.2e. The advantage is that the transconductor is easier to design since its

output swing is very small. Moreover, the transconductor need not have a very high

output resistance since the output terminal is at a virtual ground. The integrator dc
gain is product of dc gains of the OTA and transconductor, which is easier to be

made large and easier to push the dominant pole frequency to low enough values,

avoiding the phase lead it would otherwise produce. It may be noted, however, that

the need of both transconductor and OTA in the Gm-OTA-C integrator can mean

significant power dissipation, despite that the power dissipation of the individual

elements can be low due to relaxed performance requirements.
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Fig. 3.2 (a) Single-ended OTA-C integrator, (b–d) fully differential integrators, (e) Gm–Opamp

integrator (b-e Adapted from [3.2] #1994 IEEE)
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3.2 First-Order OTA-C Filters

3.2.1 First-Order OTA-C Filters Using OTAs
with Single-Current Output

As in the case of opamps, several structures are possible that can realize resistances,

amplifiers, lossless and lossy integrators, differentiators, and first-order all-pass

filters [3.3]. These are considered next.

The circuit of Fig. 3.3a realizes a grounded resistance of value 1/Gm1, whereas

the circuit of Fig. 3.3b realizes a floating resistance of value 1/Gm when Gm1 ¼
Gm2 ¼ Gm, thus necessitating matching transconductances. Note that in the case

when VA is a source, the OTA gm2 can be removed.

The circuit of Fig. 3.4a realizes an amplifier with gain Gm1/Gm2. Note that the

feedback-connected OTA 2 realizes a resistance of value 1/Gm2 as explained

before. Note that the difference of two inputs can be amplified very easily. The

circuit of a lossy integrator is presented in Fig. 3.4b. The derivation is quite simple:

In Fig. 3.4b, the input difference voltage (V1 � V2) is converted into a current

Gm(V1 � V2) that flows through the capacitor C shunted by a resistor realized using

OTA Gm2, realizing the transfer function

Vo ¼ Gm1 V1 �V2ð Þ
sCþ Gm2

(3.4)

Note, however, that a differentiator can not be realized easily using an OTA,

whereas a lossy differentiator can be realized using the circuit of Fig. 3.4c. This

circuit has the transfer function given by

Vo

Vi
¼ sC

sCþ Gm2
(3.5)

A lossless differentiator [3.4] can be obtained by using an integrator in

a feedback system as shown in Fig. 3.4d. This circuit evidently needs more

−

−

−

+

+

+

Iin

Vi

Gm1

VA VB

Gm1

a b

Gm2

Fig. 3.3 OTA-based

realization of grounded

resistor (a) and floating

resistor (b)
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OTAs. In this circuit, Gm2 and C form a noninverting integrator and Gm1, Gm3

realize the equation:

Vi Gm1 þVo
Gm2 Gm3

sC
¼ 0 (3.6a)

so that

Vo

Vi
¼ � Gm1 sC

Gm2 Gm3
(3.6b)

The circuit of Fig. 3.4e realizes finite zeroes [3.3] and has the transfer function

given by

Vo

Vi
¼ sCþ Gm1

sCþ Gm2
(3.7)
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+
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Fig. 3.4 (a) OTA-based differential amplifier, (b) lossy integrator, (c) first-order high-pass filter,

(d) lossless differentiator based on integrator, and (e) filter for realizing finite zeroes ((c) Adapted

from [3.3] #IEEE, (e) Adapted from [3.3] #IEEE)
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Note, however, that it needs a floating capacitor and Vi needs to be a source with

low output impedance.

A first-order all-pass filter can be obtained from Fig. 3.4e by interchanging the

input terminals of the OTA Gm1:

Vo

Vi
¼ sC� Gm1

sCþ Gm2
(3.8)

Matching of OTA transconductances Gm1 and Gm2 will evidently be needed.

3.2.2 First-Order Filters Using OTAs with Current Input
and Current Output

Recently, there has been interest in using OTAs to realize current-mode filters.

In these the inputs and outputs are currents. The advantage is that the power supply

voltage can be reduced and the desired dynamic range can be obtained in the current

outputs. It is very easy to mirror the current outputs of either polarity in multiple

output OTAs. For example, the circuit of Fig. 3.4b can use an OTA with two outputs

so that a current transfer function can be obtained (as shown by dotted lines),

whereas the input is a voltage. On the other hand, by deleting the OTA Gm1 and

feeding an input current as shown in Fig. 3.5a, a current-input current-output lossy

integrator can be obtained. A lossy integrator can be obtained using the circuit of

Fig. 3.5b.

A general current-input current-output circuit described by Sun and Fidler [3.5]

is shown in Fig. 3.5c. This circuit can realize Io1 as a first-order low-pass and Io2 as a
first-order low-pass or high-pass transfer function:

Io1 ¼
Gm1 Iin1 � Iin2

Gm2

Gm3

� �
sCþ Gm1 Gm2

Gm3

; Io2 ¼ Gm2 Gm1 Iin1 þ Iin2 sCð Þ
Gm3 sCþ Gm1 Gm2

Gm3

� � (3.9)

Note that R3 is implemented using an OTA Gm3 connected as a resistor. Note

also that an all-pass transfer function can be realized under the conditions Iin1 ¼
�Iin2 and Gm2 ¼ Gm3. This circuit uses three OTAs and two extra current outputs

and needs matching OTAs and matching input currents.

We consider next another circuit proposed by Wu and El-Masry [3.6], shown in

Fig. 3.5d, for which the transfer function can be derived as

Io ¼
Iin2 Gm2 þ Iin1

Gm2

Gm1

� �
sC

sCþ Gm1
(3.10)
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Fig. 3.5 Current-mode circuits using OTAs: (a) lossless integrator, (b) lossy integrator, (c) first-

order filter due to Sun and Fidler (Adapted from [3.5] #IEEE), (d) first-order filter due to Wu

and El-Masry (Adapted from [3.6]#IEEE), (e, f) all-pass filters due to Kamath, AnandaMohan, and

Prabhuwith two inputs (Adapted from [3.7]#Birkhauser), (g, h) with one input, and (i) Al-Hashimi,

Dudek, and Moniri first-order all-pass filter (Adapted from [3.8]#IEE)



Evidently, when Iin2 ¼ 0, a high-pass transfer function is realized, and when

Iin1 ¼ 0, a low-pass transfer function is realized. Note, however, that when Gm1 is

negative, that is, when the input OTA is connected as a positive resistor, then an all-

pass transfer function is obtained under the condition Gm1 ¼ Gm2. Thus, matching

of Gms is needed.

Two alternative first-order all-pass filters [3.7] are presented in Fig. 3.4e, g. For

the circuit of Fig. 3.4e, the transfer function realized is

Io ¼ Iin1 Gm2 � Iin2 sC

Gm2 1þ sC
Gm1

� � (3.11a)

Note that when Iin1 ¼ 0, an inverting high-pass transfer function is realized, and

when Iin2 ¼ 0, a low-pass transfer function is realized. When Iin1 ¼ Iin2 and Gm1 ¼
Gm2, a first-order all-pass transfer function is realized. In this case, the circuit can be

simplified as shown in Fig. 3.5f. On the other hand, for the circuit of Fig. 3.5g, we have

Io ¼ Iin1 sC� Iin2 Gm2

Gm2 1þ sC
gm1

� � (3.11b)

This circuit also can realize an inverting low-pass transfer function when Iin1
¼ 0, a noninverting high-pass transfer function when Iin2 ¼ 0, and when Iin1 ¼ Iin2
and Gm1 ¼ Gm2, a first-order all-pass transfer function is realized. In this case too,

the circuit can be simplified, as shown in Fig. 3.5h.

We next consider another first-order all-pass configuration due to Al-Hashimi,

Dudek, and Moniri [3.8] shown in Fig. 3.5i. The circuit realizes a transfer function

given by

Io
Iin

¼ Y � Gm2

Y þ Gm2
(3.12)

where Y ¼ sC. Interestingly, the transfer function is independent ofGm1 value since

Gm1 is used as current mirror with two outputs and the all-pass transfer function is

realized as 1� 2Gm2

Gm2 þsC
.

The multiplier 2 is realized by summing two equal outputs of the OTA Gm2.

3.3 Voltage-Mode Second-Order OTA-C Filters

Sanchez-Sinencio, Geiger, and Nevaraz-Lozano [3.9] have described voltage-mode

OTA-C filters based on a two-integrator loop. The circuit shown in Fig. 3.6a has the

transfer function given by

Vo2 ¼ 1

D1 ðsÞ K1 K2 V1 þs K2 V2 þBo K2 V3 þ s2 V4 þs B1 V5

� �
(3.13a)
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where

D1 ðsÞ ¼ s2 þK2 sþ K1 K2 (3.13b)

and K1 ¼ Gm1

C1
;K2 ¼ Gm2

C2
;B0 ¼ Gbo

C1
;B1 ¼ Gb1

C2
:

Evidently, the circuit has low pole frequency and pole-Q sensitivities. All positive

gain low-pass, bandpass, and high-pass transfer functions can be realized by feeding

only the inputs V1 or V3, V5 or V2, and V4, respectively. A notch transfer function can

be obtained using both the inputs V4 and V3 or V1 and V5 ¼ V2 ¼ 0. Independent
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Nevarez-Lozano (Adapted from [3.9] #IEEE1988)
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control of pole-frequency and pole-Q is not feasible since the damping and integration

functions are combined in one integrator using Gm2 and capacitor C2.

Another voltage-mode biquad is presented in Fig. 3.6(b). The transfer function

of this eight-input circuit is as follows.

Vo2 ¼ 1

D1 ðsÞ
K1 K2 V1 þs K2 V2 þBo K2 V3 þ s2 B2 V4 þs B1V5

� s K2 V6 þ s A1 K2 V7 þ s2 B3 V8

 !
(3.14a)

where

D2 ðsÞ ¼ s2 þA1 K2 sþ K1 K2 (3.14b)

and

K1 ¼ Gm1

C1

;K2 ¼ Gm2

C2 þC0
2

;B0 ¼ Gbo

C1

;B1 ¼ Gb1

C2 þC0
2

;A1 K2 ¼ Gm3

C2 þC0
2

;

B2 ¼ C2

C2 þC0
2

andB3 ¼ C0
2

C2 þC0
2

Due to the presence of a negative s term in the numerator, the circuit can realize

an all-pass filter also. Note that several options for realizing LP-, BP-, and HP-type

transfer functions are available. In this case, A1K2 or (OTA Gm3) can be used to

independently control the pole-Q.
We next consider another biquad shown in Fig. 3.6(c) which uses 10 voltage

inputs. The transfer function of this circuit can be derived as

Vo2 ¼ 1

D2 ðsÞ

� þ s2 V2 þs K2 V1 þs Bo V3 þs Ao K2 V4 þB1 Ao K2 V5

þ K1 K2 V6 Ao þs A1 K2 V8 �s Ao K2 V7 �s B2 K2 V9 �s K2 V10

 !

(3.15a)

where

D2 ðsÞ ¼ s2 þA1 K2 sþ Ao K1 K2 (3.15b)

and

K1 ¼ Gm1

C1

;K2 ¼ Gm2

C2

;B0 ¼ Gbo

C2

;B1 ¼ Gb1

C1

;B2 ¼ Gb2

Gm5
;Ao ¼ Gm4

Gm5
;A1 ¼ Gm3

Gm5
:

Note that damping is realized through Gm3. Several choices of inputs are feasible

to realize the various desired transfer functions. All the above circuits used OTAs

with one current output. However, allowing additional current outputs for the

OTAs, the hardware can be reduced considerably.
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Example 3.1 Using PSPICE, simulate the OTA-C filter of Fig. E.3.1. Study the

effect of finite output resistances of the OTAs considering typical output resistance

of OTA is 1M Ohms. The effect is that the mid-band gain has increased.

*. OTA C two integrator loop

gm1 2 0 1 0 628.57umho

gm3 3 0 0 2 628.57umho

gm4 2 0 3 0 628.57umho

gm2 2 0 0 2 62.857umho

C1 2 0 10pf

C2 3 0 10pf

*R1 2 0 333k

*R2 3 0 1000k

vin 1 0 ac 1v

.ac lin 100 9900K 10100k

Ro1 2 0 1000K

Ro2 3 0 3000K

With Ro of 1 Meg Ohm for each OTA.
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Example 3.2 Using PSPICE, simulate the OTA-C filter of Fig. E.3.2 using the

Tsukutani, Sumi, and Fukui [3.19] CMOS OTA which uses all transistors of

the same dimensions (L ¼ 2 um,W ¼ 4 um) and equal cpacitors of value 10 pf

(see Fig. E.3.2b) (Adapted from [3.19]# Frequenz2006). The bias currents

(100 mA) have been chosen to realize a Gm value (155 mS). Note that the OTA

has dual current ouputs.

6

3

Ibias

VSS

M15

M10M8

M12

M9

Iom

M13
5

VDD

a

b

VSS

M6

Iop

M14

VSS

M5

M1

4

Vinp

VSS

M7

M2

Vinm

VSS

1

2

C1

+

−

+

−

+

−

+

−

Gm1

Gm3

Gm4

Gm2

C2

1

3
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*Two integrator loop using Tsukutani, Sumi and Fukui [3.19] CMOS OTAs

Vin 1 0 ac 0.1v

C1 2 0 10pf

C2 3 0 10pf

x1 vdd vss Ibias1 1 0 2 NC1 doota

Ibias1 Ibias1 vss DC 100u

x2 vdd vss Ibias2 0 2 2 NC2 doota

Ibias2 Ibias2 vss DC 100u

x3 vdd vss Ibias3 0 2 3 NC3 doota

Ibias3 Ibias3 vss DC 100u

x4 vdd vss Ibias4 3 0 2 NC4 doota

Ibias4 Ibias4 vss DC 100u

R1 Nc1 0 100K

R2 NC2 0 100K

R3 NC3 0 100K

R4 NC4 0 100K

vdd vdd 0 DC 2

vss vss 0 DC -2

.AC DEC 1000 100K 10000K

.subckt doota vdd vss Ibias vinp vinm iop iom

.PARAM ln¼2um,wn¼4um

.PARAM lp¼2um, wp¼4um

M1 3 vinm Ibias vss CMOSN w¼{wn} l¼{ln}

M2 4 vinp Ibias vss CMOSN w¼{wn} l¼{ln}

M5 iom 3 vdd vdd CMOSP w¼{wp} l¼{lp}

M6 5 3 vdd vdd CMOSP w¼{wp} l¼{lp}

M7 3 3 vdd vdd CMOSP w¼{wp} l¼{lp}

M8 4 4 vdd vdd CMOSP w¼{wp} l¼{lp}

M9 iop 4 vdd vdd CMOSP w¼{wp} l¼{lp}

M10 6 4 vdd vdd CMOSP w¼{wp} l¼{lp}

M12 5 5 vss vss CMOSN w¼{wn} l¼{ln}

M13 iop 5 vss vss CMOSN w¼{wn} l¼{ln}

M14 iom 6 vss vss CMOSN w¼{wn} l¼{ln}

M15 6 6 vss vss CMOSN w¼{wn} l¼{ln}

.ends DOOTA

.MODEL CMOSN NMOS ( LEVEL ¼ 3 PHI¼0.700000 TOX¼9.6000E-09

+ XJ¼0.200000U TPG¼1 VTO¼0.6684 DELTA¼1.0700E+00 LD¼4.2030E-08

+ KP¼1.7748E-04 UO¼493.4 THETA¼1.8120E-01 RSH¼1.6680E+01

+ GAMMA¼0.5382 NSUB¼1.1290E+17 NFS¼7.1500E+11 VMAX¼2.7900E

+05

+ ETA¼1.8690E-02 KAPPA¼1.6100E-01 CGDO¼4.0920E-10 CGSO¼ 4.0920E

-10

+ CGBO¼3.7765E-10 CJ¼5.9000E-04 MJ¼0.76700 CJSW¼2.0000E-11

+ MJSW¼0.71000 PB¼0.990000)

.MODEL CMOSP PMOS ( LEVEL ¼ 3 PHI¼0.700000 TOX¼9.6000E-09
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+ XJ¼0.200000U TPG¼-1 VTO¼-0.9352 DELTA¼1.2380E-02 LD¼5.2440E-

08

+ KP¼4.4927E-05 UO¼124.9 THETA¼5.7490E-02 RSH¼1.1660E+00

+ GAMMA¼0.4551 NSUB¼8.0710E+16 NFS¼5.9080E+11 VMAX¼2.2960E

+05

+ ETA¼2.1930E-02 KAPPA¼9.3660E+00 CGDO¼2.1260E-10 CGSO¼ 2.1260E

-10

+ CGBO¼3.6890E-10 CJ¼9.3400E-04 MJ¼0.48300 CJSW¼2.5100E-10

+ MJSW¼0.21200 PB¼0.930000)

.end

Chang [3.10] has described a voltage-mode biquad shown in Fig. 3.7a using

three OTAs, one of which has dual current outputs. The transfer functions of this

circuit are:

Vo1

Vi

� �
DðsÞ ¼ s2 C1 C2 Gm1 þGm1 Gm2 Gm3;

Vo2

Vi

� �
DðsÞ ¼ Gm1 Gm2 Gm3;

Vo3

Vi

� �
DðsÞ ¼ s C2 Gm1 Gm2

(3.16a)

where

DðsÞ ¼ s2 C1 C2 Gm1 þ s C2 Gm2 Gm3 þGm1 Gm2 Gm3 (3.16b)

Note that pole-Q can be controlled by Gm1 independently. A floating inductance

can be identified between terminals A and B. The circuit is thus a series resonator
formed by R ¼ 1/Gm1, L ¼ C1/(Gm2Gm3), and capacitor C2.
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Chang [3.10] has described another voltage-mode OTA-C biquad presented in

Fig. 3.7b. This circuit realizes LP, BP, and HP transfer functions:

Vo1

Vi

� �
DðsÞ ¼ s2 C1 C2 Gm3;

Vo2

Vi

� �
DðsÞ ¼ �sGm1 Gm3 C2;

Vo3

Vi

� �
DðsÞ ¼ Gm1 Gm2 Gm3

(3.17a)
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Fig. 3.7 Voltage-mode OTA-C filters due to Chang (Adapted from [3.10] #IEEE 1999)
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where

DðsÞ ¼ s2 C1 C2 Gm1 þ s C2 Gm1 Gm2 þGm1 Gm2 Gm3 (3.17b)

Note that pole-Q cannot be independently controlled. The HP transfer function is

realized by subtracting from the input the low-pass ouput signal and adding the

inverted band-pass ouput signal.

Another voltage mode biquad due to Chang [3.10] which uses only two OTAs

and needs two input voltages is presented in Fig. 3.7c. This circuit can realize notch,

HP, BP, and LP transfer functions:

Vo1 ¼ Vi2 Gm1 Gm2 þVi1 s
2 C1 C2

s2 C1 C2 þ s C2 Gm1 þGm1 Gm2
(3.18a)

and

Vo2 ¼ �Vi1 s C1 Gm2 þVi2ðs C1 Gm2 þGm1 Gm2Þ
s2 C1 C2 þ s C2 Gm1 þGm1 Gm2

(3.18b)

A unilateral floating inductance exists between terminals Vi2 and Vo1 and a

resistor exists between Vo1 and ground.

A voltage mode circuit due to Horng [3.11] is presented in Fig. 3.8. This circuit

has two voltage transfer functions:

V01 ¼ s2 C1 C2 V3 þ s C1 ðGm1 V1 þGm2 V2 �Gm2 V4Þ þ Gm1 Gm2 V1

s2 C1 C2 þ s C1 Gm1 þGm1 Gm2
(3.19a)

V02 ¼ s2 C1 C2 V4 þ s Gm1 ðC1 V4 þC2 V3 �C2 V1Þ þ Gm1 Gm2 V2

s2 C1 C2 þ s C1 Gm1 þGm1 Gm2
(3.19b)

It can be seen from (3.19) that various voltage transfer functions can be obtained

at Vo1 or Vo2. The circuit is basically a two-integrator loop. Since the damping

V1
Gm1

Gm2

V4 V2

C1

C2

Vo2

Vo1

V3

+
+

+

−

− −

+

Fig. 3.8 Voltage-modeOTA-Cfilters due toHorng (Adapted from [3.11]#Taylor and Francis 2004)
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resistor is used as a part of the second integrator, there is no degree of freedom to

control the pole-Q independent of frequency. This may be observed from the

denominator of (3.19), since Gml affects both pole-Q and pole-frequency.

Another voltage mode circuit due to Horng [3.12] is presented in Fig. 3.9. This

circuit realizes the five transfer functions given below:

Vo1

Vin
¼ Gm1 Gm2 Gm3

DðsÞ ;
Vo2

Vin
¼ s C2 Gm1 Gm2

DðsÞ ;

Vo3

Vin
¼ s2 C1 C2 Gm1

Gm2

Gm4

DðsÞ ;
Vo4

Vin
¼ s2 C1 C2 Gm1 þGm1 Gm2 Gm3

DðsÞ ;

Vo5

Vin
¼ s2 C1 C2 Gm1 � s Cm2 Gm2 Gm3

Gm1

Gm5
þ Gm1 Gm2 Gm3

DðsÞ

(3.20a)

where

DðsÞ ¼ s2 C1 C2 Gm1 þ s C2 Gm2 Gm3 þGm1 Gm2 Gm3 (3.20b)

Note that this circuit is basically same as Chang’s biquad of Fig. 3.7a except that

the polarity of the output terminals of OTA Gm3 and input terminals of OTA Gm1

are changed. The additional OTA Gm5 is used to realize the notch transfer function

and a high-pass transfer function is obtained using Gm4 to convert the mirrored

output current of Gm2 to a voltage Vo3.

Chang [3.13] has described a voltage-mode universal OTA-C filter using

multiple-output OTAs presented in Fig. 3.10. The transfer function of this biquad

is given by
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+
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Fig. 3.9 Voltage-mode OTA-C filters due to Horng with single input (Adapted from [3.12]

#Taylor & Francis 2002)
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Vo

Vin
¼ Gma

Gmb

� �
SHP s2 C1 C2 � SBP s C1 Gm2 þ SLP Gm1 Gm2

s2 C1 C2 þ s C1 Gm2 þGm1 Gm2
(3.21)

Note that SHP, SLP, and SBP are switches that when selected appropriately will

realize the numerator coefficients of all generally required second-order transfer

functions. Note that the feedback is through multiple-output OTA Gb whereas the

feedforward is through OTA Ga. This configuration can be used to realize a high-

order transfer function as shown later. Chang [3.13] has also observed that the

circuit can be designed with fixed capacitors and different Gms or fixed Gms and

different capacitors.

Sun [3.14] has described two general OTA-C voltage-mode biquads based on

the Nawrocki and Klein biquad [3.15] shown in Fig. 3.11a, b. Note that in the

original biquad of Nawrocki and Klein [3.15], the input terminals Vi4, Vi7, and Vi8

in Fig. 3.11a were connected to ground. The modified circuit of Fig. 3.11a [3.14]

uses additional input OTAs whereas the circuit of Fig. 3.11b uses additional

output OTAs and is also fed input current. Both are based on the two-integrator

loop and use grounded capacitors. The transfer functions of the circuit of

Fig. 3.11a are:

DðsÞVo1 ¼Gmao ðGmb2 C2 sþ Gm2 Gmb1ÞVi1 �Gma1 Gmb0 Gm2 Vi2

� Gma2 Gmb0 C2 s Vi3 þGmbo ðGmb2 C2 sþ Gm2 Gmb1ÞVi4

� Gmbo Vi5 Gmb1 Gm2 �Gmbo s Vi6 Gmb2 C2 n
þ Gmbo Gm1 Gm2 Vi7 þGmbo Gm2 C2 s Vi8 (3.22a)
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Fig. 3.10 Voltage-mode universal OTA-C filter due to Chang (Adapted from [3.13]#IEEE 2006)
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Fig. 3.11 Modified OTA-C biquads due to Sun based on the Nawrocki and Klein OTA-C biquad:

(a) with input distribution and (b) with output summation (Adapted from [3.14] #IEE 1998)
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DðsÞVo2 ¼Gao Gb2 G1 Vi1 þGa1 Gb2 C1 s Vi2 �Ga2 ðGb1 C1 sþ G1 GboÞVi3

þ Gbo Vi4 Gb2 G1 þGb1 s Gb2 C1 Vi5 �Gb2 ðGb1 C1 sþ G1 GboÞVi6

� Gb2 G1 C1 s Vi7 þG2 ðs Gb1 C1 þG1 GboÞVi8

(3.22b)

DðsÞVo3 ¼ Gao G1 G2 Vi1 þGa1 G2 C1 s Vi2 þGa2 C1 C2 s2 Vi3

þ Gbo G1 G2 Vi4 þGb1 G2 C1 s Vi5 þGb2 Vi6 C1 C2 s2

� G1 G2 C1 s Vi7 �G2 C1 C2 s2 Vi8 (3.22c)

where

DðsÞ ¼ Gb2 C1 C2 s2 þGb1 G2 C1 sþ Gbo G1 G2 (3.22d)

Note that the circuit of Fig. 3.11a can realize LP, BP, and HP transfer functions

directly by appropriate choice of inputs. The output Vo3 realizes for Vi1 to Vi8

respectively LP, BP, HP, LP, BP, HP, BP, and HP transfer functions. The circuit can

be reduced to a five-OTA circuit by tying certain voltage inputs together. As an

illustration, for Vi4 ¼ Vi6 ¼ Vi, the circuit realizes LP, BP, and BS transfer

functions. Similarly, for the case Vi4 ¼ �Vi5 ¼ Vi6 ¼ Vin, Vo3 is an all-pass trans-

fer function whereas Vo1 and Vo2 are LP and BP transfer functions, respectively.

The circuit of Fig. 3.11b realizes current transfer functions given as

Io¼ �Vi8Gm2þVi6Gmb2þii3ð Þ Ga2C1C2 s
2þðGa1Gb1C1�Gao Gbo C2ÞsþGa1Gbo G1ð Þ

Gb2C1C2 s2þGb1G2C1 sþGbo G1G2

(3.23)

Thus arbitrary biquadratic transfer functions can be obtained.

3.4 Current-Mode Second-Order OTA-C Filters

We next consider some current-mode biquads described in the literature. The

current-mode universal biquad due to Al-Hashimi, Dudek, Moniri, and Living

[3.16] is shown in Fig. 3.12a which is also based on a two-integrator-loop. The

pole-frequency and pole-Q can be independently controlled. The realized current

transfer function is given by

Iout
Iin

¼
s2 S1 � S2

s Gm2

C1

� �
þ ðS3 þ S4 Þ Gm2 Gm3

C1 C2

s2

RGm1
þ s Gm2

C1

� �
þ Gm1 Gm2

C1 C2

(3.24)
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Fig. 3.12 Current-mode OTA-C biquads (a) due to Al-Hashimi, Dudek, Moniri, and Living

(Adapted from [3.16]#IEE1998), (b) due to Abuelmaatti and Bentrcia (Adapted from [3.17]

#IEE 2004), and (c) due to Chang, Al-Hashimi, and Ross (Adapted from [3.18]#IET 2004)
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Note that a low-pass transfer function of gain 1 or 2 can be realized by closing

either one or both of the switches S3 and S4. All generally required transfer

functions can be realized by an appropriate choice of switches S1, S2, S3, and S4.
Note that R needs to be realized by another OTA simulating a resistor.

Abu elmaa’tti and Bentrcia [3.17] have suggested a current mode biquad

configuration shown in Fig. 3.12b which is also based on a two-integrator loop.

The three current transfer functions realized are as follows.

Iout1 ¼ 1

D

Gm6

Gm3
s2 C1 C2 Iin3 �s C1 Gm2 Iin2 þGm1 Gm2 Iin1
� �

(3.25a)

Iout2 ¼ � 1

D

Gm1

Gm3

��
sðC2 Gm3 þGm2 Gm5Þ Iin1 �s C2 Gm4 Iin3 þGm2 Gm4 Iin2

�
(3.25b)

Iout3 ¼ 1

D
ðGm1 Gm2 Iin1�sC1 Gm2 Iin2� 1

Gm3
Gm1 Gm2 Gm4þsC1 Gm2 Gm5ð Þ Iin3

� �
(3.25c)

where

D ¼ gm1 gm2 gm4
gm3

þ s C1

gm2 gm5
gm3

þ s2 C1 C2 (3.25d)

Note that the pole-Q can be controlled independently by Gm5. Note that even

though different current terminals are labeled by different Gmi values, the Gm is

same.

Chang, Al-Hashimi, and Ross [3.18] have proposed a current-mode OTA-C filter

shown in Fig. 3.12c. This is also based on the two-integrator loop. It can realize

low-pass, notch, and band-pass transfer functions. A high-pass transfer function can

be obtained by joining NH and LP terminals. An all-pass transfer function can be

obtained by joining BP and NH terminals. The circuit has independent control of

pole-Q and pole-frequency. The transfer functions of this circuit are:

IBP
Iin

� �
DðsÞ ¼ �s C2 G1;

INotch
Iin

¼ s2 C1 C2 þG2 G3;

ILP
Iin

� �
DðsÞ ¼ �G2 G3;

IAP
Iin

� �
DðsÞ ¼ s2 C1 C2 �s C2 G1 þG2 G3;

IHP
Iin

� �
DðsÞ ¼ s2 C1 C2

(3.26a)
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where

DðsÞ ¼ s2 C1 C2 þs C2 G1 þG2 G3 (3.26b)

Tsukutani, Sumi, and Fukui [3.19] have described an OTA-C filter based on a

two-integrator loop, which is presented in Fig. 3.13. In this circuit, a current

multiplier has been used in the feedback formed by OTAs Gm4 and Gm5.

The transfer functions of this circuit are:

Io1
Iin

� �
DðsÞ ¼ �Gm1 Gm5

C1 Gm4
s;

Io2
Iin

� �
DðsÞ ¼ �Gm2 Gm3 Gm5

C1 C2 Gm4
;

Io3
Iin

DðsÞ ¼ �s sþ Gm1

C1

� � (3.27a)

where

DðsÞ ¼ s2 þs
gm1
C1

þ gm2 gm3 gm5
C1 C2 gm4

(3.27b)

Note that although (3.27a) realizes band-pass and low-pass current transfer

functions, the high-pass, all-pass, and notch transfer functions are obtained as (a)

IHP ¼ Io1 � Io3, Gm5 ¼ Gm4, (b) IBS ¼ Io1 + Io2 � Io3 under the condition Gm5 ¼
Gm4 and (c) IAP ¼ Io1 + Io2 � Io3 under the condition Gm5 ¼ 2Gm4.
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Fig. 3.13 Current-mode OTA-C biquad due to Tsukutani, Sumi, and Fukui (Adapted from [3.19]

#Frequenz 2006)
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Bhaskar, Singh, Sharma, and Senani [3.20] have proposed two universal filter

realizations using OTAs. These are presented in Fig. 3.14a, b. In the circuit of

Fig. 3.14a, OTA Gm2 converts the input current to voltage which is again converted

into two currents by OTA Gm1. Note that Gm3, Gm4, and capacitor C2 realize a

grounded inductance, with which capacitor C1 forms a LC tank circuit. However,

damping is provided by Gm3 thus not letting independent control of pole-frequency

and pole-Q. Note that LP, HP, and BP transfer functions are realized. The transfer

functions of the circuit of Fig. 3.14a are as follows.

Io1
Iin

¼ Gm1

Gm2

� � Gm3 Gm4

C1 C2

DðsÞ

 !
;
Io2
Iin

¼ � Gm1

Gm2

� � s Gm3

C1

� �
DðsÞ

0
@

1
A;

Io3
Iin

¼ Gm1

Gm2

� �
s2

DðsÞ
� � (3.28a)

+ 

+ 

+ 

+ 
+ 

+ 

+ + 

+ 

− 

− 

− 
− 

− 

− 

− 

− 

Io2

Gm2 Gm4

Gm1 C1

Gm3 

C2

Io1

Iin

a

b

− 

− 

C1

Io1

Gm1

+

++

+

+ 

+

+ 

+ 

Io2

Gm4 

Gm2

Gm3

C2

Io3

Iin

Io3

Fig. 3.14 Current-mode OTA-C biquads due to Bhaskar, Singh, Sharma, and Senani (Adapted

from [3.20] #IEICE 2005)
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where

DðsÞ ¼ s2 þs
Gm3

C1

� �
þ Gm3 Gm4

C1 C2

(3.28b)

Consider next the circuit of Fig. 3.14b whose transfer functions can be derived as

follows.

Io3
Iin

¼ � Gm1

Gm4

� � Gm2 Gm3

C1 C2

DðsÞ

 !
;
Io2
Iin

¼ Gm1

Gm4

� � s Gm2

C1

� �
DðsÞ

0
@

1
A;

Io1
Iin

¼ Gm1

Gm4

� �
s2 þ Gm2 Gm3

C1 C2

DðsÞ

 ! (3.29a)

where

DðsÞ ¼ s2 þs
Gm1

C1

� �
þ Gm2 Gm3

C1 C2

(3.29b)

In this circuit, OTAGm4 converts the input current to voltage. The OTAGm1 acts

as a source resistance feeding the tank circuit formed by capacitor C1 and lossless

grounded inductance realized by OTAs Gm3, Gm4, and capacitor C2. The OTA Gm1

converts the difference between input voltage and the voltage across the LC tank (a

band-pass transfer function) to current output yielding a notch transfer function.

Chunhua, Ling, and Tao [3.21] have suggested a universal filter configuration

presented in Fig. 3.15 using four OTAs. The various transfer functions of this

circuit can be derived as

Io1
Iin

� �
DðsÞ ¼ Gb

Ga

� �
s2 C1 C2;

Io2
Iin

� �
DðsÞ ¼ Gb

Ga

� �
s C2 Gm1;

Io3
Iin

� �
DðsÞ ¼ Gm1 Gm2

Gb

Ga

� �
;

Io4
Iin

� �
DðsÞ ¼ Gb

Ga

� �
s2 C1 C2 þGm1 Gm2;

Io5
Iin

� �
DðsÞ ¼ Gb

Ga

� �
s2 C1 C2 �s C2 Gm1 þGm1 Gm2

� �

(3.30a)

where

DðsÞ ¼ s2 C1 C2 þs C2 Gm1
Gb

Ga

� �
þ Gm1 Gm2 (3.30b)
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Evidently, the circuit has independent control of pole-Q using (Gb/Ga). This

circuit (also based on a two-integrator loop) evidently needs OTAs with several

current outputs.

Biolek, Biolkova, and Kolka [3.22] have described a current-mode OTA-C

biquad based on KHN active RC biquad which is presented in Fig. 3.16. Note that

the circuit needs two input currents. The transfer functions of this circuit are given as

IHP
Iin

¼ s2

D
;
IBP
Iin

¼ sop =Qp

D
;
ILP
Iin

¼ o2
p

D
(3.31a)

where

D ¼ s2 þs
Gm1

C1

� �
þ Gm1 Gm2

C1 C2

(3.31b)

Note that the circuit realizes basic low-pass and bandpass current transfer

functions from which others are obtained as

IHP
Iin

¼ s2

D
¼ Iin � ILP � IBP

Iin
;
IBR
Iin

¼ s2 þ Gm1 Gm2

C1 C2

D
¼ Iin � IBP

Iin
;

IBP
Iin

¼
s Gm1

C1

� �
D

;
IAP
Iin

¼
s2 �s Gm1

C1

� �
þ Gm1 Gm2

C1 C2

D
¼ Iin �2 IBP

Iin
;
ILP
Iin

¼
Gm1 Gm2

C1 C2

D

(3.32)
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Io4

Io5

Io3

Io2
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Gb
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Gm1

C2

C1

Iin +

−
−

−
−

−

−

+

+ + +

+

+

+

+
+
+

Fig. 3.15 Current mode OTA-C biquad due to Chunhua, Ling, and Tao (Adapted from [3.21]

#AEU 2008)
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Chang [3.10] has proposed two current-mode biquads shown in Fig. 3.17a, b

whose transfer functions are given, respectively, by

Iout
Iin

� �
DðsÞ ¼ s2 C1 C2 I3 �s C1 G2 I2 þG1 G2 I1;

Io1
Iin

� �
DðsÞ ¼ s C2 G1 I1 þG1 G2 I2;

Io2
Iin

� �
DðsÞ ¼ �s C1 G2 I2 þG1 G2 I1 �G1 G2 I2

(3.33a)

where

DðsÞ ¼ s2 C1 C2 þs C1 G2 þG1 G2 (3.33b)

Chang and Pai [3.23] have described a current-mode biquad using only two

OTAs with multiple current outputs and with three current inputs. The transfer

functions of this circuit, shown in Fig. 3.18, are as follows.

Iout1 DðsÞ ¼ s2 C1 C2 Iin3 þs C1 G2 ðIin3 � Iin2Þ þ G1 G2 ðIin3 � Iin1Þ;
Iout2 DðsÞ ¼ �s G1 C2 Iin1 �G1 G2 ðIin1 � Iin2Þ;

Iout3 ¼ �s C1 G2 Iin2 þG1 G2 Iin1

(3.34a)

where

DðsÞ ¼ s2 C1 C2 þs C1 G2 þG1 G2 (3.34b)

Note that at Iout1, an all-pass transfer function is realized using Iin2 ¼ 2Iin3, Iin1 ¼ 0,

Iin3 ¼ Iin. TheHP, LP, andBP realizations need, respectively, (a) Iin1 ¼ Iin2 ¼ Iin3, (b)
Iin3 ¼ Iin2 ¼ 0, and (c) Iin3 ¼ Iin1 ¼ 0. A notch realization needs Iin3 ¼ Iin2, Iin1 ¼ 0.

− + −

+ −

+ − − + −

− +

Gm1 Gm2

C2

C1

IBP

IX:IBR,IHP,IAP
Iin

ILP

Iin

Fig. 3.16 Current-mode

OTA-C biquad due to Biolek,

Biolkova, and Kolka

(Adapted from [3.22]

#WASET2007)
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Wu and El-Masry [3.6] have described two current-mode biquads as shown in

Fig. 3.19a, b. The transfer functions of these two biquads are, respectively:

Iout1 DðsÞ ¼ Gm1 Gm3

C1 C2

I1 þ I2 s
Gm3

C2

;

Iout2 DðsÞ ¼ Gm1 Gm2

C1 C2

I1 þ I2
Gm2 Gm4

C2 C3

þ I3 s2
Gm2

Gm3

(3.35a)

Io1

Gm2

a

C2

C1

Gm1
Io2 

I1
I2

+
+ +

+
−

−
−

−

−

+

I2

C2

C1 

Gm1
Gm2 

Gm3 

Iout

I1
I3

+

+

+

+

+

+

−
−

−

−

−

b

Fig. 3.17 (a) and (b) Current-mode OTA C biquads due to Chang (Adapted from [3.10] #IEEE

1999)

C1

Iout3

− +
−

+ +
C2Gm2

Iin2

Iin3 Iout1

− +
+
+   

+   +

Iout2

Iin1
Gm1

Iout2

Fig. 3.18 Current-mode OTAC biquads due to Chang and Pai (Adapted from [3.23]#IEEE 2000)
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where

DðsÞ ¼ s2 þ s
Gm2

C2

þ Gm1 Gm2

C1 C2

(3.35b)

By removing the feedback around Gm2, infinite pole-Q can be realized. The

circuit (b) is same as that of (a) except for additional feedforward voltage and

current inputs using additional OTAs.

Sun and Fidler [3.5] have exhaustively studied the two-integrator loop-based

current-mode OTA-C filters. They have suggested the four structures shown in

Fig. 3.20a–d in which by having different choices, different filters can be obtained.

All of these have been designed to have independent control of pole-Q and pole-

frequency.

Gm3

I2

+

−

Gm2

+   −

− −
C2

C1

Gm1

Iout1

I1

+

−

Gm2

+   −

− −
C2

C1

Gm1

I3

I1

+

−

+

−

+

−

Gm4

Gm3

C3

I2

Iout2

a

b

Fig. 3.19 Current-mode OTA C biquads due to Wu and El-Masry (Adapted from [3.6]#IEEE

1998)
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−
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−

+

−
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C1
C2

Ii1
Ii2

Io3
Ii3

Io2

Io1
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Gm3

Ii1
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−
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Fig. 3.20 (a)–(d) Current-mode biquads due to Sun and Fidler (Adapted from [3.5]#IEEE 1996)
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The transfer functions of these circuits are

Figure 3.20a:

D1 ðsÞ Io1 ¼ t2 s Ii1 � k12 Ii2 þ k11 Ii3 t2 sþ k12 Ii5 t2 s (3.36a)

where D1 ðsÞ ¼ s2 t1 t2 þs t2 k11 þ k12 and k11 ¼ Gm3

Gm4
; k12 ¼ Gm5

Gm6
.

Figure 3.20b:

D2 ðsÞ Io1 ¼ ðt2 sþ k22Þ Ii1 � k12 Ii2 þ k12 t2 s Ii34

D2 ðsÞ Io2 ¼ Ii1 þ t1 s Ii2 þðt1 s k22 þ k12Þ Ii34 (3.36b)

where D2 ðsÞ ¼ s2 t1 t2 þs t1 k22 þ k12 and k22 ¼ Gm4

Gm5
; k12 ¼ Gm3

Gm5
.

Figure 3.20c:

D1 ðsÞ Io1 ¼ t2 s Ii1 � k12 Ii2 þ k12 Ii4 t2 s (3.36c)

where k11 ¼ Gm3

Gm1
; k12 ¼ Gm4

Gm5

Figure 3.20d:

D2 ðsÞ Io1 ¼ ðt2 sþ k22Þ Ii1 � k12 Ii2 þ k12 ðt2 sþ k22Þ Ii4 (3.36d)

where k22 ¼ Gm3

Gm2
; k12 ¼ Gm4

Gm5
. Note that in (3.35), t1 ¼ C1

g1
and t2 ¼ C2

g2
.

Gm3

Gm4

Gm2Gm1

Io4

− − 
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C1

C2

Io1

Io2
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Ii4

Ii2

Gm5

d

Fig. 3.20 (continued)
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The circuit of Fig. 3.20a needs six OTAs, has four current inputs, and realizes

four current transfer functions at different output terminals of LP, HP, BP, and BS

types. The circuit of Fig. 3.20b needs five OTAs, has three current inputs, and

realizes current transfer functions of LP, HP, and BP types. The circuit of Fig. 3.20c

on the other hand needs five OTAs, has three current inputs and realizes only

current transfer functions of LP and BP types. Finally, the circuit of Fig. 3.20d

needs five OTAs, has three current inputs and realizes LP and BP current transfer

functions. Sun and Fidler have also suggested that the circuits can be simplified by

choosing k11 ¼ 1 or k12 ¼ 1 or both k11 ¼ k12 ¼ 1 in the case of Fig. 3.20a (where

k11 ¼ Gm3/Gm4, k12 ¼ Gm5/Gm6) and in the case of Fig. 3.20c, d k12 ¼ 1 (where

k12 ¼ Gm4/Gm5).

A universal biquad filter circuit capable of providing all-pass/band-pass/high-

pass/band-stop/low-pass filter function can be obtained by using the basic structure

of Fig. 3.5g redrawn in Fig. 3.21a by replacing the admittance Yp with a resistance

realized using OTA Gm4 and Yn with a series network of grounded inductance L1
(of value C2/Gm2Gm3 simulated using OTAs Gm2, Gm3, and grounded capacitor C2)

in series with a capacitor C1. The resulting universal biquad1 circuit due to Kamat,

Ananda Mohan, and Prabhu [3.24] is presented in Fig. 3.21b.

The transfer function IAP1/Iin for the circuit is given by

IAP1
Iin

¼ �N1 ðsÞ
D1 ðsÞ ¼ �

s2 � s
gm2gm3
gm4 C2

� �
þ gm2gm3

C1C2

s2 þ s
gm2gm3
gm1 C2

� �
þ gm2gm3

C1C2

(3.37a)

Evidently under the condition Gm1 ¼ Gm4 ¼ Gm, (3.36a) becomes a second-

order all-pass (AP1) current transfer function. The other node voltages and current

transfer functions can be obtained as

VBS1

Iin
¼ gm4 þ gm1

gm1 gm4

� � s2 þ gm2gm3
C1C2

� �
D1 ðsÞ ;

VHP1

Iin
¼ gm4 þ gm1

gm1 gm4

� �
s2ð Þ

D1 ðsÞ

IHP1
Iin

¼ Gm4 þGm1

Gm1 Gm4

� �
Gm3 s

2

D1 ðsÞ ;
VBP1

Iin
¼ Gm4 þGm1

Gm1 Gm4

� � s Gm3

C2

� �
D1 ðsÞ ; (3.37b)

IBP1
Iin

¼ � Gm4 þGm1

Gm1 Gm4

� � s Gm2 Gm3

C2

� �
D1 ðsÞ

Thus an inverting all-pass, an inverting band-pass, and a noninverting high-pass

current transfer functions and a noninverting notch and a noninverting high-pass

voltage transfer functions are available. Note also that the band-stop current transfer
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function can be obtained as IBS1 ¼ IAP1 � Iin. A low-pass transfer function can also

be obtained as ILP1 ¼ IHP1 + IAP1 � Iin using Gm1 ¼ Gm4 ¼ Gm3. However, no

independent control of pole-Q and pole-frequency is possible in the case of the LP

transfer function. The resulting transfer functions are:

−

−

Iin1

Iin2

Ii

Yp

Yn

+

+

C2

VBP1 

Gm3Gm2

Gm4

Gm1

+

+

++

++

+

+

+
+

+

+

C1

Iin 

VBS1

VHP1 

IAP1

IHP1

a

b

IBP1

IBS1

ILP1

−

− −

−

Fig. 3.21 (a) Basic configuration to derive universal biquads, (b) universal biquad1 (AP1/BP1/

HP1/BS1/LP1) filter derived from the configuration of (a), (c) universal biquad2 (AP2/LP2/BP2/

BS2/HP2) filter derived from the configuration of (a), (d) biquad3 (HPN3/HP3/LP3/BP3) filter

(ILP3 when Gm1 ¼ Gm2 ¼ Gm3, C2 ¼ C3 and IBP3 when Gm1 ¼ Gm3, C1 ¼ C3), and (e) biquad4

(LPN4/LP4/HP4) (IHP4 and INOTCH when Iin2 ¼ 0) (Adapted from [3.24] Birkhauser #2010)
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IBS1
Iin

¼ IAP1 � Iin
Iin

¼ �
2 s2 þGm2 Gm3

C1 C2

� �
D1 ðsÞ ;

ILP1
Iin

¼ IAP1 � Iin þ IHP1
Iin

¼ �
2Gm2Gm3

C1C2

� �
D1 ðsÞ

IBP1
Iin

¼ �
� Gm4 þGm1

Gm1 Gm4

� �
s Gm2 Gm3

C2

� �
D1 ðsÞ ;

IHP1
Iin

¼ Gm4 þGm1

Gm1 Gm4

� �
Gm3 s2

D1 ðsÞ (3.38)

Note that all-pass transfer function is realized under the condition

Gm1 ¼ Gm3 ¼ Gm4.

Another universal biquad filter circuit capable of providing all-pass/low-pass/

band-pass/band-stop/high-pass filter function is realized using the basic structure of

Fig. 3.21a by replacing the admittance Ypwith a resistance and Ynwith L1 in parallel
with C1. The resulting universal biquad2 circuit is presented in Fig. 3.21c. Note that

Gm4 realizes Yp and the grounded inductance L1 is realized by OTAs Gm2 and Gm3

and capacitor C2. The all-pass transfer function IAP2/Iin of this circuit is given by

IAP2
Iin

¼ gm1
gm4

N2 ðsÞ
D2 ðsÞ ¼

gm1
gm4

s2 � s
gm4
C1

þ gm2gm3
C1C2

� �

s2 þ s
gm1
C1

þ gm2gm3
C1C2

� � (3.39a)

under the matching condition Gm1 ¼ Gm4. The other node voltages and current

transfer functions obtained in the circuit of Fig. 3.21c are as follows.

VBP2

Iin
¼ Gm1 þ Gm4ð Þ

gm4

s
C1

� �
D2 ðsÞ ;

IBP2
Iin

¼ Gm1 þ Gm4ð Þ
Gm4

s Gm2

C1

� �
D2 ðsÞ ;

VLP2

Iin
¼ Gm1 þ Gm4ð Þ

Gm4

Gm2

C1C2

D2 ðsÞ ;
ILP2
Iin

¼ � Gm1 þ Gm4ð Þ
Gm4

Gm2Gm3

C1C2

D2 ðsÞ (3.39b)

A notch transfer function can be obtained by adding the input current with the

all-pass current output:

IBS2
Iin

¼ Iin þ IAP2
Iin

¼ Gm1 þ Gm4ð Þ
Gm4

s2 þ Gm2Gm3

C1C2

� �
D2 ðsÞ (3.39c)

A high-pass transfer function can be realized by noting that IHP2 ¼ Iin þ IAP2 þ
ILP2 :

IHP2
Iin

¼ IAP2 þ ILP2
Iin

þ 1 ¼ Gm1 þ Gm4ð Þ
Gm4

s2

D2 ðsÞ (3.39d)
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c

d
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Fig. 3.21 (continued)
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A circuit capable of providing a high-pass notch/high-pass filter function is

realized using the basic structure of Fig. 3.21a by replacing the admittance Yp
with a grounded capacitor C3 and Yn with L1 in series with C1 with Iin1 ¼ Iin2 ¼ Iin.
The resulting biquad3 filter circuit is presented in Fig. 3.21d. Here the grounded

inductance L1 is realized by OTAs Gm2 and Gm3 and capacitor C2. The transfer

function IHPN3/Iin of this circuit is given by

IHPN3
Iin

¼ �N3 ðsÞ
D3 ðsÞ ¼ �

s2 þ Gm2Gm3

C1C2

1� C1

C3

� �

s2 þ s
Gm2Gm3

Gm1C2

� �
þ Gm2Gm3

C1C2

� �
0
BB@

1
CCA (3.40a)

Evidently the function IHPN3/Iin is a high-pass notch since on < op. The circuit

for the caseC3 ¼ 0 is known in the literature, since component simulation of a series

LC circuit in parallel withR is known to realize a notch transfer function. In this case,

however, other transfer functions including IBP and ILP are available. In this case, Iin1
at the noninverting input of OTA Gm1 is not needed.

Gm5 Gm4

Gm1

Gm3Gm2

Iin1

Iin2

VBP1

+

+

+

+

+

+

+ +

+ +
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−

−

−

C2

C1

ILPN4/ILP4/IHP4 

e
C3

Fig. 3.21 (continued)
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It is possible to realize a low-pass transfer function for which there is no

independent control of pole-Q and pole-frequency:

ILP3
Iin

¼ Iin � Io3
Iin

¼
G2

m

C1 C2

s2 þs
Gm

C2

� �
þ G2

m

C1 C2

(3.40b)

under the condition Iin1 ¼ Iin2 ¼ Iin, Gm1 ¼ Gm2 ¼ Gm3, and C2 ¼ C3. Under this

condition, the notch frequency is related to pole frequency and pole-Q, since
C1/C2 ¼ 1/Qp

2. Next, a band-pass transfer function can be obtained under the

condition Gm1 ¼ Gm3, C1 ¼ C3, as

IBP3
Iin

¼ Io1 � Io2 � Iin
Iin

¼
s
Gm1

C1

s2 þs
Gm2

C2

� �
þ Gm1 Gm2

C1 C2

(3.40c)

A high-pass transfer function is realized at the IHP3 output. Note that independent

control of pole frequency and pole-Q is not possible.

Alternatively, with Iin2 ¼ 0, the circuit of Fig. 3.21d can also realize a ILP3 at the
IHPN3 output given by

IHPN3ðLP3Þ
Iin

¼
Gm2Gm3

C2C3

� �
D3 ðsÞ

0
BB@

1
CCA (3.41a)

The circuit also can realize band-pass and low-pass transfer functions at the

output of OTAs Gm3 and Gm2, respectively:

I03
Iin

¼
s

Gm3

C3

� �
D3 ðsÞ

0
BB@

1
CCA (3.41b)

I02
Iin

¼ �
Gm2Gm3

C2C3

� �
D3 ðsÞ

0
BB@

1
CCA (3.41c)

A low-pass notch filter circuit (LPN) can be realized by using the basic structure

of Fig. 3.21a by replacing the admittance Yp with a grounded inductor L1 and Yn
with C1 in series with grounded inductor L2 with Iin1 ¼ Iin2 ¼ Iin. The resulting
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circuit is presented in Fig. 3.21e wherein the grounded inductance L1 is realized by

OTAs Gm4 and Gm5 and capacitor C3. The grounded inductance L2 is realized

by OTAs Gm2 and Gm3 and capacitor C2. The transfer function of this circuit is

given by

ILPN4
Iin

¼ � 1� Gm2Gm3C3

Gm4Gm5C2

� �
N4 ðsÞ
D4 ðsÞ

¼ � 1� Gm2Gm3C3

Gm4Gm5C2

� � s2 þ Gm2Gm3

C1C2 1� Gm2Gm3C3

Gm4Gm5C2

� �

s2 þ s
Gm2Gm3

Gm1C2

� �
þ Gm2Gm3

C1C2

� �
0
BBBBBB@

1
CCCCCCA

(3.42a)

Evidently the circuit implements low-pass notch, as on > op. The notch and

pole frequencies on, op and the pole-Q Qp can be independently tuned. For optimal

design/low spread, we may use Gm4 ¼ Gm5 and Gm2 ¼ Gm3. The sensitivity of the

pole-frequency and pole-Q can be seen to be low with respect to all Gm and

capacitor values. Under the condition Gm2Gm3 ¼ Gm4Gm5 and C2 ¼ C3, Io1/Iin
will implement a low-pass biquad LP4 and with Iin2 ¼ 0, the circuit of Fig. 3.21e

will realize a noninverting high-pass biquad.

ILP4
Iin

¼ �
Gm2Gm3

C1C2

D4 ðsÞ

0
BB@

1
CCA;

IHP4
Iin

¼ Gm2Gm3C3

Gm4Gm5C2

� �
s2

D4 ðsÞ
� �

(3.42b)

Bhaskar, Sharma, Singh, and Senani [3.25] have described five OTA-C biquads

that can work in dual-mode as VIVO or CICO biquads. These are presented in

Fig. 3.22a–e. All of these need only four OTAs and some with dual ouputs. All

realize three voltage transfer functions and three current transfer functions. The

current-mode ciruit is obtained by using a resistor (simulated using OTA) as an

input current to voltage converter to realize the same voltage transfer functions. All

these filters are based on two-integrator loops and use one OTA-based additional

amplifier to realize the finite Q by damping the lossless two-integrator loop. The

circuit of Fig. 3.22c needs only three OTAs for the pole-forming loop.

The voltage mode and current-mode transfer functions of these circuits of

Fig. 3.22a–e are presented next:

Figure 3.22a:

Vo1

Vi

� �
D1 ðsÞ ¼ � s2

Gm4

Gm3

� �
;

Vo2

Vi

� �
D1 ðsÞ ¼ s

Gm1 Gm4

C1 Gm3

� �
;

Vo3

Vi

� �
D1 ðsÞ ¼ Gm1 Gm2 Gm4

C1 C2 Gm3

� �
(3.43a)
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Vo2
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Gm1
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+

+

Io2_ 

+ 

Gm2

Gm4

C2

C1
Io3

Vin

Iin
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Fig. 3.22 (a)–(e) Current-mode OTA-C biquads due to Bhaskar, Sharma, Singh, and Senani

(Adapted from [3.25]#Frequenz 2006)
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where

D1 ðsÞ ¼ s2 þs
Gm1 Gm4

C1 Gm3

� �
þ Gm1 Gm2

C1 C2

(3.43b)

Figure 3.22b:

Vo1

Vi

� �
D2 ðsÞ ¼ s

Gm3

C1

� �
;

Vo2

Vi

� �
D2 ðsÞ ¼ Gm3 Gm4

C1 C2

� �
;

Vo3

Vi

� �
D2 ðsÞ ¼ s2 þGm3 Gm4

C1 C2

(3.43c)

+ −

−

−

−

−

−

Gm4

Vin

Vo2

Io1
Vo1

Gm3

_

+

C1

Iin
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Io2

Io3

+

+

Gm1
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+

Io1

_
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+
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Fig. 3.22 (continued)
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where

D2 ðsÞ ¼ s2 þs
Gm2 Gm3

C1 Gm1

� �
þ Gm3 Gm4

C1 C2

(3.43d)

Figure 3.22c:

Vo3

Vi

� �
D3 ðsÞ ¼ �Gm2

Gm1
s2 þGm3 Gm4

C1 C2

� �
;

Vo2

Vi

� �
D3 ðsÞ ¼ s

Gm2 Gm3

C1 Gm1

� �
;

Vo1

Vi

� �
D3 ðsÞ ¼ � Gm2 Gm3 Gm4

C1 C2 Gm1

� �
(3.43e)

where

D3 ðsÞ ¼ s2 þs
Gm3

C1

� �
þ Gm3 Gm4

C1 C2

(3.43f)

Figure 3.22d:

Vo1

Vi

� �
D4 ðsÞ ¼ s2;

Vo2

Vi

� �
D4 ðsÞ ¼ � s

Gm1

C1

� �
;

Vo3

Vi

� �
D4 ðsÞ ¼ Gm1 Gm2

C1 C2

� � (3.43g)

where

D4 ðsÞ ¼ s2 þs
Gm1 Gm3

C1 Gm4

� �
þ Gm1 Gm2 Gm3

C1 C2 Gm4
(3.43h)

Figure 3.22e:

Vo1

Vi

� �
D5 ðsÞ ¼ s2

Gm3

Gm4

� �
;

Vo2

Vi

� �
D5 ðsÞ

¼ � s
Gm1 Gm3

C1 Gm4

� �
;

Vo3

Vi

� �
D5 ðsÞ ¼ Gm1 Gm2 Gm3

C1 C2 Gm4

� �
(3.43i)

where

D5 ðsÞ ¼ s2 þs
Gm1

C1

� �
þ Gm1 Gm2 Gm3

C1 C2 Gm4
(3.43j)
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The respective current-mode transfer functions are:

Figure 3.22a:

Io1
Iin

� �
D1 ðsÞ ¼ � s2 þGm1 Gm2

C1 C2

� �
;

Io2
Iin

� �
D1 ðsÞ

¼ s2
Gm1

Gm3

� �
;

Io3
Iin

� �
D1 ðsÞ ¼ �s

Gm1 Gm2

C1 Gm3

� �
(3.44a)

Io4 ¼ Io1 � Io2 and Gm1 ¼ Gm3 low-pass, Io5 ¼ Io1 � Io3 and Gm2 ¼ Gm4 all-

pass

Figure 3.22b:

Io3
Iin

� �
D2 ðsÞ ¼ � s2 þGm3 Gm4

C1 C2

� �
;

Io1
Iin

� �
D2 ðsÞ ¼ s2

Gm3

Gm1

� �
;

Io2
Iin

� �
D2 ðsÞ ¼ �s

Gm2 Gm3

C1 Gm1

� �
(3.44b)

Io4 ¼ Io1 þ Io3 and Gm1 ¼ Gm3 low-pass, Io5 ¼ Io3 � Io2 and Gm2 ¼ Gm4 all-

pass

Figure 3.22c:

Io3
Iin

� �
D3 ðsÞ ¼ � s2 þGm3 Gm4

C1 C2

� �
Gm2

Gm1 þGm2
;

Io2
Iin

� �
D3 ðsÞ ¼ � s2

Gm3

Gm1 þGm2

� �
;

Io1
Iin

� �
D3 ðsÞ ¼ s

Gm3 Gm4

C1 Gm1 þGm2ð Þ
� � (3.44c)

Io4 ¼ Io2 þ Io3 and Gm2 ¼ Gm3 low-pass, Io5 ¼ Io1 þ Io3 and Gm1 ¼ Gm2 ¼
2Gm4, all-pass

Figure 3.22d:

Io1
Iin

� �
D1 ðsÞ ¼ � s

Gm1 Gm3

C1 Gm4
þ Gm1 Gm2 Gm3

C1 C2 Gm4

� �
;

Io2
Iin

� �
D4 ðsÞ ¼ � s2

Gm1

Gm4

� �
;

Io3
Iin

� �
D4 ðsÞ ¼ sGm1 Gm2

C1 Gm4

� �
(3.44d)

Io4 ¼ Io1 þ Io3 and Gm2 ¼ Gm3 low-pass, Io5 ¼ Io2 þ Io4 and Gm1 ¼ Gm4,

Gm2 ¼ Gm3, notch and Io6 ¼ Io2 þ Io3 þ Io4 and Gm1 ¼ Gm4, Gm2 ¼ Gm3 all-pass,
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Figure 3.21e:

Io3
Iin

� �
D1 ðsÞ ¼ � Gm1 Gm2 Gm3

C1 C2 Gm4

� �
;

Io1
Iin

� �
D1 ðsÞ ¼ � s2

Gm1

Gm4

� �
;

Io2
Iin

� �
D5 ðsÞ ¼ s

Gm1 Gm2

C1 Gm4

� �
(3.44e)

Note that Io4 ¼ Io1 þ Io3 notch and Io5 ¼ Io1 þ Io2 þ Io3 are all-pass transfer

functions.

3.5 OTA-C Filters Using First-Order All-Pass Sections

3.5.1 OTA-C Filters Derived from Tarmy–Ghausi
Active RC Filter

The active RC filter due to Moschytz [3.26] which is a modification of the

Tarmy and Ghausi proposal [3.27] based on the block diagram of Fig. 3.23 was

discussed in Chap. 2 (see Fig. 2.25a). This basically consists of two first-order all-

pass filters in a negative feedback loop. The pole-Q of this circuit denoted as Qp can

be shown to be

Qp ¼
1þ A2

2ð1� A2Þ (3.45a)

The sensitivity of Qp to A2 can be derived as

S
Qp

A2
¼ Qp �

1

4Qp

(3.45b)

Vi

First-order
all-pass filter

First-order
all-pass filter

A1

−A2 

VBP

Fig. 3.23 Moschytz’s modified Tarmy–Ghausi configuration
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Interestingly, there are two methods suggested in the literature [3.28, 3.29, 3.30,

3.31] for implementing A2 to reduce the pole-Q sensitivity. In these, A2 is expressed

as P/(P + Q) and (P � Q)/(P + Q). These are considered next.

The OTA-C implementation of universal current-mode filter structure based on

the Tarmy–Ghausi (TG) configuration [3.32] is given in Fig. 3.24a. The feedback

factor A2 can be realized in three ways as shown in Fig. 3.24b–d. The circuit denoted

as TG0 uses two OTAs Gma and Gmb to realize feedback factor A2 ¼ Gmb/Gma as

shown in Fig. 3.24b. The OTAGma is used as an OTA simulated resistor and the OTA

Gmb acts as a V-to-I converter. In Fig. 3.24a, the feed-forward path consists of two

A 

B 

GmaGmb

+

A 

B

GmaGmb

Gm1

B2B1

C2

1 
1

α21
α11

α12
α32

α31

Bo
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Gm4

Gm2

B   A 

Σ

Io
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Iin

α22

B A 
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Gmb

+
+

+
+

+
+

+

+

+
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b
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c

+
+

+

+

+ +

+

+
+ +
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− −
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−
−
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−
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−

−
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Fig. 3.24 (a) OTA-C filter based on Moschytz’s modified Tarmy–Ghausi active RC filter and

(b)–(d) three subcircuits that are used between terminals A and B in (a) (Adapted from [3.32]

#IET 2010)
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first-order all-pass circuits. The OTAs Gm1, Gm3 and capacitor C1 realize one first-

order all-pass section and the OTAsGm2,Gm4 and capacitorC2 realize another second

first-order all-pass section. The overall transfer function of the circuit TG0, under the

matching conditionGm1 ¼ Gm3 ¼ Gm2 ¼ Gm4 ¼ Gm andC1 ¼ C2 ¼ C, is given by

Iout
Iin

¼ Gma

GmaþGmbð Þ
s2 Bo�B1þB2ð Þþ2s

Gm

C
Bo�B2ð Þþ Gm

C

� �2

BoþB1þB2ð Þ

s2þ2sGm

C

Gma�Gmbð Þ
GmaþGmbð Þþ

Gm

C

� �2

8>>><
>>>:

9>>>=
>>>;

(3.46a)

The circuit has independent control of the Q-factor and pole-frequency op.

Evidently the pole-Qp and Qp-sensitivity of this circuit (TG0) can be obtained

from (3.45a) by noting that A2 ¼ Gmb/Gma as

Qp ¼ 1

2

Gma þ Gmbð Þ
Gma � Gmbð Þ ¼

1

2

1þ Gmb

Gma

� �

1� Gmb

Gma

� � (3.46b)

and from (3.45b),

S
Qp
gmb
gma

¼ Qp �
1

4Qp

(3.46c)

For high Qp realizations, the sensitivity of Qp with respect to A2 has the same

order of Qp.

The use of the feedback circuit as shown in Fig. 3.24c in the structure of

Fig. 3.24a, significantly reduces the Qp sensitivity. In this case, the two OTAs

Gma and Gmb realizing resistors are connected in parallel. The feedback factor A2

can easily be seen to be

A2 ¼ Gmb

Gma þGmb
(3.47a)

The overall transfer function of TG1, under the matching condition Gm1 ¼ Gm3

¼ Gm2 ¼ Gm4 ¼ Gm and C1 ¼ C2 ¼ C is given by

Iout
Iin

¼ Gma þ Gmbð Þ
Gma þ 2Gmbð Þ

�
s2 Bo � B1 þ B2ð Þ þ 2s

Gm

C
Bo � B2ð Þ þ Gm

C

� �2

Bo þ B1 þ B2ð Þ

s2 þ 2s
Gm

C

Gma

Gma þ 2Gmbð Þ þ
Gm

C

� �2

(3.47b)
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The pole-Q and Qp sensitivity of TG1 circuit are given as

Qp ¼ 1

2
þ gmb
gma

; S
Qp
gmb
gma

¼ 1� 1

2Qp

(3.47c)

The third modified Tarmy–Ghausi biquad circuit TG2 uses the feedback circuit

of Fig. 3.24d and realizes

A2 ¼ gmb � gma
gmb þ gma

(3.48a)

using two OTAs in a novel manner to reduce the Qp-sensitivity. The two OTA

simulated resistors Gma and Gmb in Fig. 3.24d are connected in parallel as in

Fig. 3.24c, but the mirrored output current of OTA Gma is subtracted from that of

Gmb to obtain the feedback current If. The overall transfer function of TG2 can be

shown to be

Iout
Iin

¼ Gmb þ Gmað Þ
2Gmb

s2 Bo � B1 þ B2ð Þ þ 2s
Gm

C
Bo � B2ð Þ þ Gm

C

� �2

Bo þ B1 þ B2ð Þ

s2 þ 2s
Gm

C

Gma

Gmb
þ Gm

C

� �2

(3.48b)

The pole-Q and Qp-sensitivity of TG2 circuit can be seen to be

Qp ¼ 1

2

Gmb

Gma
; S

Qp
Gmb
Gmað Þ ¼ 1 (3.48c)

It is possible to realize a universal OTA-C biquad using the basic configuration

of Fig. 3.24b using a general synthesis procedure for obtaining the various compo-

nent values to realize general biquadratic functions. This is possible by invoking an

analogy between direct form digital filter structure [3.33] and Tarmy–Ghausi

circuit arrangement by recognizing that in the place of the delay operator “z�1”,

using bilinear transformation, one obtains a first-order all-pass network in the

s-domain. Thus, the Tarmy–Ghausi biquad can be considered to be based on a

second-order direct-form digital filter of Fig. 3.25a with no middle feedback loop

(i.e., A1 ¼ 0). Thus we consider the architecture of Fig. 3.25b to realize a general

second-order filter whose transfer function is given by

Iout
Iin

¼ B0 þB1 z�1 þB2 z�2

1þ A2 z�2
(3.49a)

Note that CM in Fig. 3.25b is a current mirror with two outputs. The

corresponding analog transfer function is as follows.

192 3 OTA-C Filters



Iout
Iin

¼ s2 Bo � B1 þ B2ð Þ þ 2sop Bo � B2ð Þ þ op
2 Bo þ B1 þ B2ð Þ

1þ A2ð Þ s2 þ 2sop
1� A2ð Þ
1þ A2ð Þ þ op

2

� 	
8>><
>>:

9>>=
>>; (3.49b)

Note that (3.48b) is a universal second-order transfer function, since any filter

type can be derived from the expression. However, it is easy to synthesize the

desired A2, B0, B1, and B2 values by observing (3.49a). The numerators of second-

order digital transfer functions corresponding to the use of bilinear transformation

on s-domain prototype for low-pass, band-pass, high-pass, notch, and all-pass

transfer functions are:

LP : 1þ 2z�1 þ z�2ð Þ B0 ¼ 1; B1 ¼ 2; B2 ¼ 1

BP : 1� z�2ð Þ B0 ¼ 1; B1 ¼ 0; B2 ¼ �1

A1

z−1

z−1

B1

B2

A2

B0

x (n) y (n)

a

b

CM

-A2

B2B1
B0

Iin

Iout

ω
ω

p

p

s

s

+
−

ω
ω

p

p

s

s

+
−

Fig. 3.25 (a) Direct form II realization of second-order digital filter and (b) equivalent general

current-mode second-order analog filter realization using first-order all-pass sections based on

Tarmy–Ghausi circuit arrangement
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HP : 1� 2z�1 þ z�2ð Þ B0 ¼ 1; B1 ¼ �2; B2 ¼ 1

Notch : 1þ az�1 þ z�2ð Þ B0 ¼ 1; B1 ¼ a; B2 ¼ 1

All - pass : A2 þ z�2ð Þ B0 ¼ A2; B1 ¼ 0; B2 ¼ 1

Note that │a│ < 2 and thus a can be positive or negative. The corresponding

s-domain transfer functions for these various cases are presented in Table 3.1. From

this table, it is evident that all second-order filter types such as low-pass (LP), high-

pass (HP), band-pass (BP), symmetric notch (BS), low-pass notch (LPN), high-pass

Table 3.1 Different filter realizations using basic Tarmy–Ghausi circuit arrangement with

feedforward factors

Bo B1 B2 Filter type Transfer function

1 2 1 LP 4

1þ A2ð Þ
op

2

DðsÞ
1 �2 1 HP 4

1þ A2ð Þ
s2

DðsÞ
1 0 �1 BP+ 4

1þ A2ð Þ
sop

DðsÞ
�1 0 1 BP- � 4

1þ A2ð Þ
sop

DðsÞ
1 0 1 BS 2

1þ A2ð Þ
s2 þ op

2
� �

DðsÞ
b1 �1 b1 HPN1 2b1 þ 1

1þ A2

� �
s2 þ 2b1 � 1

2b1 þ 1

� �
op

2

� 	
DðsÞ:=

onhop, Condition to be satisfied :b1i0:5

b1 1 b1 LPN1 2b1 � 1

1þ A2

� �
s2 þ 2b1 þ 1

2b1 � 1

� �
op

2

� 	
DðsÞ:=

oniop, Condition to be satisfied:b1i0:5

A2 0 1 AP
s2 � 2sop

1� A2

1þ A2

� �
þ oP

2

� �
DðsÞ:=

1 0 b AE 1þ b
1þ A2

� �
s2 þ 2sop

1� bð Þ
1þ bð Þ þ oP

2

� �
DðsÞ:= Þ�

Note that DðsÞ ¼ s2 þ 2sop
1� A2ð Þ
1þ A2ð Þ þ op

2

Adapted from [3.32] #IET 2010
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notch (HPN), all-pass (AP), and amplitude equalizer (AE) can be derived using the

circuit arrangement given in Fig. 3.25b. The band-pass and symmetric band-stop

realizations are simple as they need unity coefficients for feedforward inputs,

whereas all the other biquad filter types such as LP, HP, LPN, HPN, AP, and AE

require at least one nonunity gain feedforward coefficient. Note that in some cases,

a multiplier of 2 will be needed. Note that current mirrors with appropriate ratioed

devices can be used at the OTA output to realize these desired gain constants.

3.5.2 Second-Order All-Pass OTA-C Filter Realization Derived
from Mitra–Hirano and Gray–Markel Structures

The second-order all-pass filter realization using basic Tarmy–Ghausi circuit

arrangement of Fig. 3.25a requires the feedforward coefficients B0 ¼ A2 in addition

to B2 ¼ 1, which needs matching of the appropriate additional OTAs in the

feedforward path with those in the pole-forming loop. Therefore, it is of interest

to derive novel circuits that may possibly need a single scaling factor A2 which acts

as both a feedback factor as well as a feedforward factor. It is also of interest to

explore other second-order all-pass digital filter structures using two z�1 delay

blocks, which is equivalent to two first-order all-pass sections in the s-domain

that also share the scaling factors in the numerator and denominator of the transfer

function.

Mitra and Hirano [3.34] have presented Type 2 and Type 3 second-order all-pass

digital filters. However, their direct adaptation to OTA-C filters can take advantage

of a property that the pole frequency op of the second-order OTA-C filter is

controlled by the pole-frequency of the two identical first-order all-pass filters

and only the pole-Q needs to be controlled. However, due to the particular structure

of the denominator of the transfer function (viz., 1 + A1z
-1 + A1A2z

�2), both the

multipliers are needed, not enabling any simplification if we choose a Type 2 all-

pass digital filter. On the other hand, if we choose the Type 3 structure of Fig. 3.26a,

the denominator of the transfer function is (1 + A1z
-1 + A2z

�2), thus providing the

option of choosing A1 ¼ 0. The corresponding OTA-C filter is shown in Fig. 3.26b.

This filter uses a single scaling factor A2 given by A2 ¼ gmb gma þ gmbð Þ= . The

denominator of the transfer function of the filter of Fig. 3.26b is same as that of

Fig. 3.24a using the subcircuit of Fig. 3.24c and hence the pole-Q and its sensitivity

are described by (3.47c).

Consider next the second-order all-pass digital filter realization, given in

Fig. 3.27a, based on the Gray–Markel lattice structure [3.35] using two one-

multiplier lattice sections connected in a nested direct-form II structure. As has

been seen in the case of the Mitra–Hirano all-pass filter, the pole-frequency in the

OTA-C version can be controlled by the pole-frequency of the first-order all-pass

filters but only the pole-Q needs to be controllable. The OTA-C filter derived from

Fig. 3.27a is presented in Fig. 3.27b. Note thatK1 ¼ Gmb Gma þ Gmbð Þ= . The pole-Q
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realized and the pole-Q sensitivity are described in this case as well by (3.47c).

It may be mentioned that essentially the Gray and Markel filter of Fig. 3.27a uses

two all-pass filters of transfer functions z�1 and
A1 þ z�1

1þ A1 z�1
and the use of bilinear

transformation yields first-order all-pass filters of different pole frequencies which

is of no advantage in OTA-C filters. As such identical first-order OTA-C all-pass

filters have been used. Hence, the architecture is of interest in the way the numera-

tor of the second-order all-pass filter is realized sharing the multiplier used in the

realization of the denominator.
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Fig. 3.26 (a) Mitra and Hirano Type 2 second-order digital all-pass filter structure (Adapted from

[3.34]#IEEE 1974), and (b) second-order OTA-C all-pass filter derived from (a) choosing A1 ¼ 0

(Adapted from [3.32]#IET 2010)
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3.6 High-Order OTA-C Filters

High-order OTA-C filters can be realized using a cascade technique in which the

previously considered first- and second-order biquads can be used appropriately by

taking into account the loading considerations. High input impedance will be

required to facilitate such cascading of voltage-mode OTA-C filters. Current-

input current-ouput type OT-C filters also can be easily cascaded. On the other

hand, high-order filters can be realized based on operational or component simula-

tion of LC ladders or multiple-loop feedback techniques. These are considered next.

3.6.1 Inductance Simulation Using OTAs

A circuit for floating inductance simulation [3.36] is presented in Fig. 3.28a. The

principle of operation is as follows. The input voltage (VA � VB) is converted into a

current of value Gm1(VA � VB) and integrated on a capacitor C to develop a voltage
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Fig. 3.27 (a) Gray and Markel second-order all-pass digital filter structure (Adapted from [3.35]

#IEEE 1973) and (b) OTA-C second-order all-pass filter derived from (a) (Adapted from [3.32]

#IET 2010)
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Fig. 3.28 (a) OTA-based floating lossless inductance, (b) third-order prototype elliptic low-pass

filter, (c) OTA-C filter derived from (b using (a), (d) fifth-order OTA-C filter derived from a RLC

prototype, (e) floating resonator simulation using OTAs (Adapted from [3.36] #IEEE 1991),

(f) equivalent ciruit of (e), (g) floating FDNR simulation using OTA (Adapted from [3.37] #IEE

1998) and (h) third-order low-pass filter using FDNRs

198 3 OTA-C Filters



Gm1(VA � VB)/(sC). This voltage is converted into two currents IA and IB using two

OTAs Gm2 and Gm3. These currents evidently are IA ¼ �IB ¼ gm1 gm2 VA �VBð Þ
sC

.

Effectively, thus an inductance of value
C

gm1 gm2
is realized. If one desires a

grounded inductance, it can be easily obtained by grounding terminal B. In this

case, OTA Gm2 is not needed and hence can be deleted. Note that the parasitic

capacitances at the outputs of the OTAs affect the realized impedance. Specifically,

considering the output resistance and capacitance to ground of OTA Gm1, the

output capacitance Cp adds to the existing capacitance C and thus the inductance

value changes to
ðCþ CpÞ
gm1 gm2

. The effect of finite Ro is to introduce a resistance of

value
1

Ro gm1 gm2
in series with the realized inductance. The output parasitics of

the OTAs Gm2 and Gm3 and input parasitics of OTA Gm1 will be directly across the

ports A and B to ground and these need to be controlled by proper layout or can be

absorbed if resistance and capacitance exist to ground at these nodes in the circuit.

3.6.2 Voltage-Mode OTA-C Filters Derived from RLC Ladder
Filters Using Component Simulation

The OTA-based floating inductance of Fig. 3.28a can be used to obtain voltage-mode

OTA-Cfilters fromprototypeRLC ladder filters. As an illustration, a prototype elliptic

low-pass ladder filter is presented in Fig. 3.28b. The corresponding OTA-C filter

obtained by substituting the floating inductance of Fig. 3.28a in place of the inductance

L and OTA-C based resistances for the terminating resistances R1 and R2 is shown in

Fig. 3.28c. Note that these circuits invariably have parasitic capacitances at various

nodes (inputs and outputs of the OTAs) and these can be absorbed in the shunt

capacitances in the case of low-pass filters as mentioned before. In the case of high-

order filters, the adjacent OTAs can be shared between floating inductances, by lifting

the (previously) grounded input of the OTAs to feed another input from the neighbor-

ing OTA. As an illustration an OTA-C filter based on a fifth-order low-pass filter is

presented in Fig. 3.28d, in which the OTA G0
m3 is shared between adjacent floating

inductances.

The implementation of Fig. 3.28c uses a floating capacitor. It is preferable to

use circuits with grounded capacitors. Interestingly, the floating capacitors can be

realized using the grounded inductance simulation circuit by replacing the

grounded capacitor with a grounded inductance. This inductance can be simulated

using OTAs and grounded capacitors. Instead of separately using a floating capaci-

tor and floating inductance in parallel, the simulation of the floating tank circuit can

be done using the circuit of Fig. 3.28e. The resulting equivalent circuit of the

floating tank circuit is shown in Fig. 3.28f.
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Fig. 3.28 (continued)
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Sun [3.37] has described realization of FDNR (frequency dependent negative

resistance) simulation based on OTAs and grounded capacitors. This circuit, shown

in Fig. 3.28g, once again is based on the inductance simulation scheme of Fig. 3.28a

in which in place of the grounded capacitance, an impedance of value
s2 Gm1 Gm2

C1 C2

realized using three OTAs and two grounded capacitors is employed. The value of

the realized FDNR is
Gm1 Gm2

�o2 C1 C2 Gm4 Gm5
. A grounded FDNR can be obtained by

grounding the terminal V2 and deleting the OTA Gm6. A third-order low-pass filter

using two such grounded super-capacitances is shown in Fig. 3.28h. Note, however,

the circuit is quite complicated compared to the OTA-C filter of Fig. 3.28c without

capacitor C2.
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Fig. 3.28 (continued)
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3.6.3 Table-Based Linear Transformation Type OTA-C
Filters Based on Ladder Filters

Hwang, Liu, Wu, and Wu [3.39] have described a table-based substitution method

for obtaining OTA-C filters from LC filters. This is based on a technique known as

linear transformation which was described for active RC filters by Dimopoulos and

Constantinides [3.38]. In this technique, the given RLC prototype is first divided

into sections comprising shunt and series arms. The ith two-port sections are usually
described by port voltage Vi and port currents Ii. These are transformed into new

variables xi and yi through multiplication by a matrix:

x1i

y1i

" #
¼ a1i bi1

gi1 d1i

" #
Vi1

Ii1

" #
(3.50a)

In a similar manner, the other port voltage and current also can be defined as

x2i

y2i

" #
¼ a2i b2i

g2i d2i

" #
V2i

I2i

" #
¼ =2i

V2i

I2i

" #
(3.50b)

It is easy to see that x1, y1, x2, and y2 can be related through the ABCD matrix of

the network relating V1i, I1i, V2i, and I2i as

x1i

y1i

" #
¼ a1i b1i

g1i d1i

" #
A1 B1

C1 D1

" #
=�1

2i

x2i

y2i

" #
¼ ai bi

ci di

" #
x2i

y2i

" #
(3.50c)

where

ai ¼ 1

Di
a1i ðd2i Ai � g2i BiÞ þ b1i ðd2i Ci � g2i DiÞ½ �

bi ¼ 1

Di
a1i ða2i Bi � b2i AiÞ þ b1i ða2i Di � b2i CiÞ½ �

ci ¼ 1

Di
g1i ðd2i Ai � g2i BiÞ þ d1i ðd2i Ci � g2i DiÞ½ �

ai ¼ 1

Di
g1i ða2i Bi � b2i AiÞ þ d1i ða2i Di � b2i CiÞ½ � (3.50d)

where Di ¼ a2i d2i � b2i g2i . Furthermore, y1i y2i½ �T can be easily obtained from

x1i x2i½ �T .
It may be noted that a and g are dimensionless wheras b and d have dimensions of

impedance, making x and y have dimensions of voltages and consequently a, b, c,
and d are dimensionless ratios.
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Next, it is to be noted that the cascade connection of two ports imposes a

constraint:

V12

I12

" #
¼ 1 0

0 �1


 �
V21

I21

" #
(3.50e)

It is required to choose the transformation matrices appropriately so that simple

structures can be obtained and the constraint can be seen to result in cross connec-

tion of two adjacent ports. Note also that the source and load terminations are

described as

1 Rs½ � V11

I11

" #
¼ 1 Rs½ � =�1

11

x11

y11

" #
¼ E (3.50f)

and

1 Rs½ � =�1
2n

x2n

y2n

" #
¼ 0 (3.50g)

The reader is urged to refer to [3.38] for a detailed discussion.

The application of this technique to OTA-C filters results in the equivalences

of Fig. 3.29 which consist of the equivalent OTA-C subcircuits corresponding

to the usually needed series and shunt arms in ladder filters. Starting with the

prototype, after sectioning the circuit, look-up from these tables yields

corresponding OTA-C sections. These need to be cross-connected to obtain the

final circuit.

As an illustration, consider the third-order all-pole low-pass filter of Fig. 3.30a.

The corresponding OTA-C filter is as shown in Fig. 3.30b. This circuit needs only

four OTAs. On the other hand, the circuit obtained by substituting the floating

inductance simulation circuit of Fig. 3.28a needs five OTAs. Consider next the

third-order elliptic low-pass filter of Fig. 3.28b for which the corresponding table-

based transformation using Fig. 3.29 yields the OTA-C filter of Fig. 3.30b. Evi-

dently, this circuit needs only seven OTAs as against eight needed in the component

simulation-based circuit of Fig. 3.28e.

It is possible to derive the circuits obtained by table-based transformation in an

alternative way without involving the theory of linear transformation. This uses the

observation that the series components of impedance Z need to be considered as

fed with the voltage (V1 � V2) and create a current I to be given to the adjacent

sections on either side. Thus, a floating inductance L will develop the relationship

I1 R ¼ V1 �V2

sL
. In the case of the shunt arm of impedance Zi, the input current Iini,

output current Iouti, and the impedance Zi and the port voltage Vi are related for

a shunt capacitor as Vi ¼ Iini � Iouti
sC

. In the case of source E and a RC network

3.6 High-Order OTA-C Filters 203



E
− 

+ 

+ 

− 

R 

C1

C 

Gm1
Gm1

E

x2

2 

2�

y2

− 

+ 

R 

a

b

c

d

e

C 

C1
Gm1

x1 

1

1�

y1

1� 2�

+ 

− 

C1

C1
Gm1

x1

x2

1 2 

y2

+ 

− 
+ 

− C1
Gm1

Gm1

y2
R 

L 

E 

2

2 x1

x2

1� 2�

L1

2 

C1

1 

Gm1

Gm1

+ 

− 

+ 

− 

+ 

− 
+ 

− Gm1

Gm1

x1

x2
y2

Fig. 3.29 Tables used in table-based simulation of ladde filters due to Hwang, Liu, Wu, and Wu

(Adapted from [3.39]#IET 1994)
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(see Fig. 3.29a), the output voltage is expressed in terms of E and current i fed by

the next branch as

V1 ¼ E� i R

1þ s CR
(3.51)

In summary, the series arms convert differential voltages across the terminals to

current whereas the shunt arms convert differential currents into voltage. The

interesting point is that in the derivation of active RC filters from low-pass elliptic

filters, we have modeled the circuit as an all-pole filter together with cross-

connecting capacitors being used to realize the transmission zeroes. Thus the

inductor currents are state variables (inverted, i.e., of opposite sign) and capacitor

voltages are also state variables realized at the outputs of integrator blocks. On the

other hand, in LT filters, the complete branch currents and node voltages are
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Fig. 3.29 (continued)
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obtained. Another difference is that in the operational simulation of leap-frog

ladder filters to obtain active RC filters, the node voltages realized are negatives

of those in the prototype. On the other hand, in the case of table-based simulation,

all the node voltages realized are the same as in the protype.

Note that circuit derivation may lead to complicated circuits in some cases.

For instance, realization of a source series arm of R in series with C as needed in

all-pole high-pass filters will be quite difficult.

Example 3.3 The third-order elliptic low-pass filter of Hwang, Liu, Wu, and Wu

[3.39] is considered. WINSPICE simulation results using the OTAmacromodel and

Tsukutani CMOS OTA of Fig. E.3.2b are shown. Note that the OTAs have fixed

transconductance of 157 mS. The circuit inductance and capacitance are first-

impedance scaled accordingly and then frequency scaled. The effect of actual

OTA nonidealities results in peaking in the frequency response. Dual ouput OTA

is used, therefore the unused current ouputs are resistively terminated.

*Third order Elliptic OTA C filter of Hwang, Liu, Wu and Wu
G1 10 0 8 5 .000157S
G2 10 0 0 10 .000157S
C4 10 0 15.3436pf
C5 4 0 8.9084pf
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Vi Vo
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Fig. 3.30 (a) A prototype third-order elliptic low-pass RLC ladder filter, (b) OTA-C filter

obtained by table-based simulation (Adapted from [3.39]#IEE 1994)
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G3 5 0 10 4 .000157S
C6 7 0 9.16408pf
C7 6 0 1.87910pf
G7 4 0 5 4 .000157S
G6 5 0 6 0 .000157S
G5 7 0 0 6 .000157S
G4 6 0 7 5 .000157S
vin1 8 0 ac 1v
.ac dec 100 1k 5000k
*Using Tsukutani OTA
C14 40 0 15.2356pf
C15 34 0 8.9084pf
C16 37 0 9.164090pf
c17 36 0 1.87910pf
x1 vdd vss Ibias1 8 35 40 NC1 doota
Ibias1 Ibias1 vss DC 100u
x2 vdd vss Ibias2 0 40 40 NC2 doota
Ibias2 Ibias2 vss DC 100u
x3 vdd vss Ibias3 40 34 35 NC3 doota
Ibias3 Ibias3 vss DC 100u
x4 vdd vss Ibias4 37 35 36 NC4 doota
Ibias4 Ibias4 vss DC 100u
x5 vdd vss Ibias5 0 36 37 NC5 doota
Ibias5 Ibias5 vss DC 100u
x6 vdd vss Ibias6 36 0 35 NC6 doota
Ibias6 Ibias6 vss DC 100u
x7 vdd vss Ibias7 35 34 34 NC7 doota
Ibias7 Ibias7 vss DC 100u
R11 Nc1 0 1000K
R12 NC2 0 1000K
R13 NC3 0 1000K
R14 NC4 0 1000K
R15 Nc1 0 1000K
R16 NC2 0 1000K
R17 NC3 0 1000K
vdd vdd 0 DC 2
vss vss 0 DC -2
.AC DEC 1000 100K 50000K
.subckt doota vdd vss Ibias vinp vinm iop iom
.PARAM ln¼2um,wn¼4um
.PARAM lp¼2um, wp¼4um
M1 3 vinm Ibias vss CMOSN w¼{wn} l¼{ln}
M2 4 vinp Ibias vss CMOSN w¼{wn} l¼{ln}
M5 iom 3 vdd vdd CMOSP w¼{wp} l¼{lp}
M6 5 3 vdd vdd CMOSP w¼{wp} l¼{lp}
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M7 3 3 vdd vdd CMOSP w¼{wp} l¼{lp}
M8 4 4 vdd vdd CMOSP w¼{wp} l¼{lp}
M9 iop 4 vdd vdd CMOSP w¼{wp} l¼{lp}
M10 6 4 vdd vdd CMOSP w¼{wp} l¼{lp}
M12 5 5 vss vss CMOSN w¼{wn} l¼{ln}
M13 iop 5 vss vss CMOSN w¼{wn} l¼{ln}
M14 iom 6 vss vss CMOSN w¼{wn} l¼{ln}
M15 6 6 vss vss CMOSN w¼{wn} l¼{ln}
.ends DOOTA
.MODEL CMOSN NMOS ( LEVEL ¼ 3 PHI¼0.700000 TOX¼9.6000E-09
+ XJ¼0.200000U TPG¼1 VTO¼0.6684 DELTA¼1.0700E+00 LD¼

4.2030E-08
+ KP¼1.7748E-04 UO¼493.4 THETA¼1.8120E-01 RSH¼1.6680E+01
+ GAMMA¼0.5382 NSUB¼1.1290E+17 NFS¼7.1500E+11 VMAX¼

2.7900E+05
+ ETA¼1.8690E-02 KAPPA¼1.6100E-01 CGDO¼4.0920E-10 CGSO¼

4.0920E-10
+CGBO¼3.7765E-10CJ¼5.9000E-04MJ¼0.76700CJSW¼ 2.0000E-11
+ MJSW¼0.71000 PB¼0.990000)
.MODEL CMOSP PMOS ( LEVEL ¼ 3 PHI¼0.700000 TOX¼9.6000E-09
+ XJ¼0.200000U TPG¼-1 VTO¼-0.9352 DELTA¼1.2380E-02 LD¼
5.2440E-08
+ KP¼4.4927E-05 UO¼124.9 THETA¼5.7490E-02 RSH¼1.1660E+00
+ GAMMA¼0.4551 NSUB¼8.0710E+16 NFS¼5.9080E+11 VMAX¼

2.2960E+05
+ ETA¼2.1930E-02 KAPPA¼9.3660E+00 CGDO¼2.1260E-10 CGSO¼

2.1260E-10
+CGBO¼3.6890E-10CJ¼9.3400E-04MJ¼0.48300CJSW¼ 2.5100E-10
+ MJSW¼0.21200 PB¼0.930000)
.end
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3.6.4 Current-Mode OTA-C Filters Based
on RLC Ladder Filters

Several current-mode techniques are available in the literature. All these

generally avoid the use of floating capacitors in innovative ways. These are

considered next.

3.6.4.1 Ramirez–Angulo and Sanchez–Sinencio Technique

for Realizing Current-Mode Filters

We first consider the technique due to Ramirez–Angulo and Sanchez–Sinencio

[3.40]. In this technique, first the equations at the various nodes in the prototype

RLC low-pass filter shown in Fig. 3.31a can be written as follows.

V1 ¼ Vs �V1

R1

� I2

� �
1

s C1

; I2 ¼ V1 �V3ð Þ 1

s L2
; V3 ¼ I2 � I4ð Þ 1

s C3

;

I4 ¼ V3 �V5ð Þ 1

s L4
; V5 ¼ I4 �V5

R2

� �
1

s C5

(3.52)

A signal flow graph (SFG) realizing these equations is presented in Fig. 3.31b.

From the SFG, the block diagram of Fig. 3.31c can be constructed easily. The

voltages in the SFG can be considered to be scaled by a resistance to yield currents

in the current-mode circuit. Note that the blocks shown
1

s Ci
and

1

s Li
are OTA-C-

based integrators of Fig. 3.31d with two current outputs. The transfer functions of

these integrators are

Iout
Iin

¼ Gm

C0 (3.53)

The current directions are as shown. It is thus very straightforward to plot the

OTA-C filter from the block diagram. We can choose equal Gm s for all OTAs used

in the integrators and then the capacitances will be related to those in the prototype

through the relationship C0
i ¼ CiGm or LiGm. Of course, one can also choose equal

capacitors and different Gm values as well.

It is possible to realize finite transmission zeroes, for example, needed in elliptic

low-pass filters. As an illustration, a third-order low-pass filter with a pair of

transmission zeroes is shown in Fig. 3.32a together with its simulation block

diagram in Fig. 3.32b. The cross-coupling multiplier blocks C2/C1 and C2/C3 will
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Fig. 3.31 (a) A protype fifth-order all-pole low-pass filter, (b) SFG describing (a), (c) block

diagram of current-mode filter derived from (b), and (d) two blocks used in (c) (Adapted from

[3.40]#IEEE1994)
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Fig. 3.32 (a) A prototype third-order elliptic low-pass filter and (b) a current-mode filter derived

from (b) (Adapted from [3.40]#IEEE1994)
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realize the transmission zeroes. This can be appreciated by writing the node

equation at node A:

Vs �V1

R1

þ I2 þðV3 �V1Þs C2 ¼ V1 s C1 (3.54a)

which can be rewritten as

Vs �V1

R1

þ I2

� �
1

s C1

þ ðV3 �V1ÞC2

C1

¼ V1 (3.54b)

In the block diagram of Fig. 3.32b, the currents corresponding to V3 and �V1

are added by tying the current outputs and multiplying using a current mirror of

gain C2/C1 and summed with the output current of the integrator block (1/sC1).

Note that the block B is a single-input multiple-output current buffer (see

Fig. 3.31d) which can be realized by an OTA connected as a resistor with multiple

current outputs.

3.6.4.2 Wu and El-Masry Technique of Realizing Current-Mode

OTA-C Filters

The second technique we consider next is due to Wu and El-Masry [3.6] which is

based on coupled biquads. Wu and El-Masry have suggested two techniques based

on mesh current simulation and branch current simulation. Consider the prototype

general configuration of Fig. 3.33a redrawn for convenience from which using

mesh current simulation, we wish to derive current-mode OTA-C filters. In each

mesh, KVL (Kirchoff’s voltage law) is applied. As an illustration, in the mesh with

mesh current I1, we have

Im1 s L2 þ 1

s C3

þ R1

� �
� Iin R1 � Im2

s C3

¼ 0 (3.55a)

which can be manipulated to yield

Im1 DðsÞ ¼ Iin
s R1

L2

� �
þ Im2
L2 C3

(3.55b)
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where DðsÞ ¼ s2 þ s R1

L2
þ 1

L2 C3

� �

This leads to the block diagram of Fig. 3.33b where there are two transfer

functions from each mesh current to the neighboring mesh currents. The two

transfer functions corresponding to (3.55a) can be seen in the first two equations

Im3

T21 T12

Im1

Iin
Im2

T01

T32

T23
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R1

Iin
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L4
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G32

G22

−

IoC32
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−
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−
+
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−
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−

C22
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C31
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G31
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G11

G22

−
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+

−

Fig. 3.33 (a) A protype RLC filter, (b) coupled biquad-based equivalent derived by mesh current

simulation from (a), and (c) OTA-C filter derived from (b) ((a) and (c) adapted from [3.6]

#IEEE1998)
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in (3.56) which share the same poles and have different numerators. The remaining

transfer functions also are presented the first two equations in (3.56):

T01D1ðsÞ ¼ I1
Iin

D1ðsÞ ¼ s
R 1

L2

� �
when i2 ¼ 0; D1ðsÞ ¼ s2 þ s

R1

L2
þ 1

L2C3

T21 D1ðsÞ ¼ I1
I2
D1ðsÞ ¼ 1

L2C3

when iin ¼ 0:

T12D2ðsÞ ¼ I2
I1
D2ðsÞ ¼ 1

L4C3

when i3 ¼ 0; D2ðSÞ ¼ s2 þ 1

L4C3;5

T32D2ðsÞ ¼ I2
I3
D2ðsÞ ¼ 1

L4C5

when i1 ¼ 0:

T23D3ðsÞ ¼ I3
I2
D3ðsÞ ¼ 1

L6C5

; D3ðsÞ ¼ s2 þ s
R2

L6
þ 1

L6C5

(3.56)

where C3,5 is the total capacitance of the second loop.

Thus, three current-mode biquads will be needed with low-pass and band-pass

current transfer functions as shown in the block diagram of Fig. 3.33b. One of

these biquads also needs to realize infinite pole-Q. Earlier we studied Wu and

El-Masry [3.6] OTA-C biquads (see Fig. 3.19a, b) which can realize low-pass as

well as band-pass transfer functions. Employing these, (3.56) can be easily

realized as shown in Fig. 3.33c.

We next consider the realization of low-pass filters with transmission zeroes.

Consider the third-order elliptic filter shown in Fig. 3.34a for which following

the same procedure, we obtain the current-mode OTA-C filter of Fig. 3.34b. The

various transfer functions are:

T01 ¼ I1
Iin

¼ s

sþ 1
R1 C1

when i2 ¼ 0;

T21 ¼ I1
I2

¼
1

R1 C1

sþ 1
R1 C1

when iin ¼ 0

T12 ¼ I2
I1

¼ K1 ¼ C22

C1

when I0 ¼ I3 ¼ 0;

T22 ¼ I2
I2

¼ K2 ¼ C22

C2

when I1 ¼ I3 ¼ 0

T32 ¼ I2
I3

¼ K3 ¼ C22

C3

when i1 ¼ i2 ¼ 0

where
1

C22

¼ 1

C1

þ 1

C2

þ 1

C3

and note that k1 þ k2 þ k3 ¼ 1:

T22 ¼ I02
I2

¼
1

L2 C2

s2 þ 1
L2 C2

; T23 ¼ I3
I2

¼
1

R2 C3

sþ 1
R2 C3

(3.57)
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The advantage of the structure is that T12, T22, T32 need simple current amplifiers

since the mesh has only one type of circuit elements: capacitors.

We next consider the realization of a sixth-order band-pass filter shown in

Fig. 3.35a. In this case, we employ the branch current simulation technique. The

equations to be realized can be easily written as follows.

Iin � I2 ¼ V1

R1

; I2 ¼ V1 �V2

s L2 þ 1
s C2

; V2 ¼ I2 � I4ð Þ
s C3 þ 1

s L3

; I4 ¼ V2 �Vo

s L4 þ 1
s C4

; I4 R2 ¼ Vo

(3.58)

These transfer functions can be realized using three biquads as shown in the

complete circuit of Fig. 3.35b. In the above synthesis, the voltages are considered
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Fig. 3.34 (a) Third-order low-pass filter prototype with transmission zeroes, and (b) current-

mode OTA-C filter derived from (a) based on mesh current simulation ((b) Adapted from [3.6]

#IEEE 1998)
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as currents through a scaling resistance. On the other hand, different scaling factors

can also be used to obtain different final filter circuits.

3.7 Multiple-Feedback-Type OTA-C Filters

Sun and Fidler [3.41] have suggested the realization of high-order filters

using grounded capacitors and OTAs with one input connected to a grounded capaci-

tor. The general configuration for a fourth-order filter is presented in Fig. 3.36a.
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G23 G33
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I4

Fig. 3.35 (a) A prototype sixth-order band-pass filter, and (b) OTA-C filter derived from (a) using

branch current siulation ((b) Adapted from [3.6] #IEEE 1998)

216 3 OTA-C Filters



Note that the inverting input of each OTA can be connected to the outputs of

other OTAs to the right. Thus, several options are possible. Denoting the connection

between the ith OTA input to the other outputs by a function fij (i.e., with j > i), the
general transfer function can be written as
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−

+
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+

−

+

−
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Fig. 3.36 (a) A multiple feedback all-pole OTA-C filter, (b) realization of transmission zeroes by

output summation, and (c) realization of transmission zeroes by input distribution (Adapted from

[3.41]#IEEE 1997)
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HðsÞ ¼ 1 ðs4�
t1 t2 t3 t4þ s3 ðt1 t2 t3 f 44þ t4 t1 t2 f 33þt3 t4 t1 f 22þ t2 t3 t4 f 11Þ

þ s2 ðt1 t2 ðf 33 f 44þ f 34Þþ t1 t3 f 22 f 44þ t1 t4 ðf 22 f 33þ f 23Þ
þ t2 t3 f 11 f 44þt2 t4 f 33 f 11þt3 t4 ðf 11 f 22þ f 12ÞÞ
þ sðt1 ðf 22 f 33 f 44þ f 22 f 34þ f 23 f 44þ f 24Þþ t2 ðf 11 f 33 f 44þ f 11 f 34Þ
þ t3 ðf 11 f 22 f 44þ f 12 f 44Þþ t4 ðf 11 f 22 f 33þ f 11 f 23þ f 12 f 33þ f 13ÞÞ
þ f 11 f 22 f 33 f 44þ f 11 f 22 f 34þ f 11 f 44 f 23þ f 12 f 33 f 44

þ f 11 f 24þ f 13 f 44þ f 12 f 34þ f 14Þ
(3.59a)

where we have defined ti ¼ Gmi

Ci
. Of the 24 configurations possible, only 9 are

suitable for realizing all-pole filters. One configuration yields a cascade of two

second-order filters and three others do not give solutions for Butterworth and

Chebychev approximations. The remaining structures degenerate to first-order filter

cascaded by third-order filter or third-order filter cascaded by a first-order filter.

As an illustration, the filter of Fig. 3.36a is defined by f12 ¼ 1, f23 ¼ 1, f34 ¼ 1,

f44 ¼ 1 so that (3.59a) becomes

HðsÞ ¼ 1 ðs4
.

t1 t2 t3 t4þ s3 t1 t2 t3 f 44þ s2 ðt1 t2 f 34þ t1 t4 f 23þþ t3 t4 f 12Þ

þ sðt1 f 23 f 44þ t3 f 12 f 44ÞÞ þ f 12 f 34Þ ¼ 1 ðs4
.

t1 t2 t3 t4þ s3 t1 t2 t3

þ s2 ðt1 t2þ t1 t4þ t3 t4Þ þ sðt1þ t3Þ þ 1Þ
(3.59b)

Considering that a fourth-order Butterworth filter is desired with a denominator

of transfer function given by

DðsÞ ¼ s4 þ2:61313 s3 þ3:41421 s2 þ2:61313 sþ1

the various ti values can be found as

t1 ¼1.53073, t2 ¼1.57716, t3 ¼1.08239 and t4 ¼ 0.382683.

In some cases nonlinear equations need to be solved. The complete options for

various fij are
(a) f12 ¼ f23 ¼ f34 ¼ f44 ¼ 1, (b) f12 ¼ f24 ¼ f34 ¼ f44 ¼ 1,

(c) f13 ¼ f22 ¼ f34 ¼ f44 ¼ 1, (d) f13 ¼ f23 ¼ f34 ¼ f44 ¼ 1,

(e) f13 ¼ f24 ¼ f34 ¼ f44 ¼ 1, (f) f14 ¼ f22 ¼ f34 ¼ f44 ¼ 1,

(g) f14 ¼ f23 ¼ f33 ¼ f44 ¼ 1, (h) f14 ¼ f23 ¼ f34 ¼ f44 ¼ 1,

(i) f14 ¼ f24 ¼ f34 ¼ f44 ¼ 1.

It is possible to realize the transmission zeroes of a high-order filter transfer

function by using two techniques: output summation shown in Fig. 3.36b and input

distribution shown in Fig. 3.36c using additional OTAs. Note, however, the synthe-

sis is very cumbersome and hence is omitted here.
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3.8 Analytical Synthesis-Based OTA-C Filters

Chang, Al-Hashimi, Sun, and Ross [3.42] have described a high-order voltage-mode

OTA-C filter realization using grounded capacitors and dual-output OTAs. A third-

order filter derived using this procedure is presented in Fig. 3.37. This method needs

an nth-order filter in general (n + 2) OTAs and n capacitors. The OTAs Gbo � Gb3

realize the numerator coefficients, whereas the remaining OTAs and grounded

capacitors realize the pole-forming loop. The transfer function of this third-order

filter of Fig. 3.37 is given by

Vo

Vin
¼

s3C1C2C3gb3 þ s2ðC2C3GboGm2 þ C1C3Gb1Gm1 þ C1C2Gb2GmoÞ
þsðC3Gm1Gm2Gb0 þ C1Gb1Gm1GmoÞ þ GboGm1Gm2Gmo

s3C1C2C3gm3 þ s2C2C3Gm3Gm2 þ sC3Gm1Gm2Gm3 þ GmoGm1Gm2Gm3

(3.60)

Note that from a given denominator transfer function, the Gm3, Gm2, Gm1, and

Gmo values can be calculated iteratively. Under the condition, Gbo ¼ Gb1 ¼ Gb2

¼ 0, a high-pass transfer function is realized at Vo whereas transfer functions with

s2 and s terms in the numerator are realized across capacitors C1 and C2. Note that

by appropriate choice of signs of the transconductances of the OTAs Gbo, Gb1, and

Gb2, negative terms can also be realized in the numerator.

A current-mode configuration for high-order OTA-C filters using grounded

capacitors due to Chang and Al-Hashimi [3.43] is presented in Fig. 3.38 for the

third-order case (for n ¼ 3). Note that in this case, a front-end OTA with (n + 1)

Gm2
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−
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Fig. 3.37 A high-order voltage-mode OTA-C filter using dual ouput OTAs
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outputs will be required together with (n � 1) OTAs and n grounded capacitors for
realizing an nth-order filter. The transfer function of this circuit can be derived as

Iout
Iin

¼

s3C1C2C3I3 þ s2C1C2Gm2ðI3 � I2Þ þ sC1Gm1Gm2ðI3 � I1Þ
þ Gm1Gm2GmoðI3 � I0Þ

 !

s3C1C2C3 þ s2C1C2Gm2 þ sC1Gm1Gm2 þ Gm1Gm2Gm0
(3.61)

Note that in this case also, from a given denominator transfer function, the Gm3,

Gm2, Gm1, andGmo values can be calculated iteratively. For realizing a third all-pass

transfer function given by

Iout
Iin

¼ s3a� s2bþ sc� d

s3aþ s2bþ scþ d
(3.62)

we need to choose I1 ¼ 0, Io ¼ I2 ¼ 2Iin, and I3 ¼ Iin.
The analytical synthesis technique can be extended to realize band-elimination

filters also. An architecture due to Tu, Chang, Ross, and Swamy [3.44] is presented

in Fig. 3.39a. As an illustration, a third-order elliptic filter can be realized using this

circuit needing four OTAs and three grounded capacitors. Three of these need dual-

current outputs. The transfer function of this filter can be derived considering all

capacitors as unity, as

Io
Iin

¼ Gm2 s2C2C3 þ Gm3Gm4ð Þ
s3C1C2C3 þ s2Gm1C2C3 þ sC3Gm2Gm3 þ Gm2Gm3Gm4

(3.63)

Evidently, a third-order elliptic transfer function can be realized. The transmission

zeroes are controlled by Gm3 and Gm4 whereas the poles are also dependent on these

transconductances, in addition to Gm1 and Gm2. Tu, Chang, Ross, and Swamy [3.44]

have expressed the desired transfer function as

-

+

+
-

+
-

I1 = 0

C2

C3

Gm2

C1

Gmo

Gm1

I0 = 2Iin

Iout

I3 = Iin

I2 = 2Iin

Fig. 3.38 A current-mode third-order OTA-C filter (Adapted from [3.43]#IEEE 2003)
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Io
Iin

¼ s2b2 þ bo
s3a3 þ s2a2 þ sa1 þ ao

(3.64)

so that the various Gm values (considering C1 ¼ C2 ¼ C3 ¼ 1) will be

ao ¼ bo;Gm1 ¼ a2
a3

; Gm2 ¼ b2
a3

; Gm3 ¼ a1
b2

and Gm4 ¼ ao
a1

:

Iin
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Fig. 3.39 (a) A OTA-C current-mode third-elliptic filter, and (b) a fourth-order elliptic current-

mode OTA-C filter (Adapted from [3.44]#IEEE 2007)
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Note that in the fourth-order case some simplification is feasible as shown in

Fig. 3.39b. The transfer function of this circuit is given by

Io
Iin

¼ s4CoC1C2C3þ s2C2C3Gm1ðGm6�Gm2ÞþGm1Gm2Gm3ðGm5�Gm4Þ
s4CoC1C2C3þ s3C1C2C3Gm1þ s2C2C3Gm1Gm6þ sC3Gm1Gm2Gm3þGm1Gm2Gm3Gm5

(3.65a)

The desired transfer function is

Io
Iin

¼ s4b2 þ s2ða2 � b2Þ þ ðao � boÞ
s4 þ s3a3 þ s2a2 þ sa1 þ ao

(3.65b)

The various Gm values are as shown in Fig. 3.39b.

Chang, Hou, Chung, Horng, and Tu [3.45] have described another technique of

realizing voltage-mode high-order all-pass and band-reject-type OTA-C filters

using grounded capacitors. A third-order all-pass filter is presented in Fig. 3.40.

Note that in this case the denominator is realized by the multiple-output OTA Gb

whereas the zeroes are realized by feeding currents into various internal nodes

using the multiple-output OTA Ga. The transfer function of this circuit can be

derived to be

Vo

Vin
¼ �Ga

Gb

s3C1C2C3 � s2C1C2Gm3 þ sC1Gm2Gm3 � Gm1Gm2Gm3

s3C1C2C3 þ s2C1C2Gm3 þ sC1Gm2Gm3 þ Gm1Gm2Gm3

� �
(3.66)
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Fig. 3.40 Third-order voltage-mode OTA-C all-pass filter due to Chang, Hou, Chung, Horng, and

Tu (Adapted from [3.45] #IEEE2006)
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Interestingly, some of the terms in the numerator can be made zero as needed

for band-reject filters by not feeding the appropriate output of the OTA Ga to

the internal nodes. Note that the gain can be scaled by using the ratio Ga/Gb.

Note also that the poles and zeroes are realized by the same time constants

avoiding the matching conditions needed. However, the inequality of various

current outputs will lead to errors in the coefficients in the numerator and

denominator.

3.9 Effect of OTA Nonidealities

In practice, the OTA nonidealities affect the performance of the OTA-C filters.

We consider the effect of these nonidealities on typical biquads next. The sensitivity

of the pole-frequency and pole-Q for the biquad of Fig. 3.21b can be seen to be low

with respect to all Gm and capacitor values. Taking into the various input and output

impedances of the OTAs, the denominator of the transfer function can be shown

(after neglecting s3 term and terms of the order ofCiCj involving parasitics only) to be

s2 C1C2 Gm1 þ Gb þ Gcð Þ þ Gm1 C1Ca þ C2Cbð Þð Þ
þ s Gm2Gm3 C1 þ Ccð Þ þ Gm1 GaC1 þ GbC2ð Þð Þ þ Gm2Gm3 Gm1 þ Gcð Þ (3.67)

where

Ga ¼ Gi2 þ Go3;Ca ¼ Ci2 þ Co3;Gb ¼ Gi3 þ Go2;Cb ¼ Ci3 þ Co2ð Þ;
Gc ¼ Gi1 þ Go1 þ Go4;Cc ¼ Ci1 þ Co1 þ Co4;Gd ¼ Gi1 þ Gi4 þ Go4;

Cd ¼ Ci1 þ Ci4 þ Co4

(3.68)

It can be seen that the pole-frequency and pole-Q are slightly affected by the

parasitic capacitances and output impedance of the various OTAs.

Taking into account the finite bandwidth of the OTA (using (3.2) with op2 ¼
oz1 ¼ 1), the realized denominator of the transfer function can be shown to be

s4C1C2t2t3Gm1 þ s3gm1C1C2 t2 þ t3ð Þ þ s2 Gm10C1C2 þGm20Gm30C1t1f g
þ s Gm20Gm30C1ð Þ þ Gm10Gm20Gm30ð Þ (3.69)

where ti ¼ 1/opi

Evidently, the pole-frequency and pole-Q are affected by the bandwidths of the

OTAs:

op

o0
p
¼

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1þ t1op

Qp

r
;
opQp

o0
pQ0

p

¼ 1� t2 þ t3ð ÞopQp (3.70)
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where the primes indicate the perturbed values. Note that these results are obtained

by neglecting the s4 term in (3.69) and substituting s3 ¼ �soo
2 based on the well-

known Akerberg–Mossberg approximation so that that the third-order system

becomes a second-order one.

We next consider another OTA-C biquad of Fig. 3.21c. The sensitivity of

the pole-frequency and pole-Q can be seen to be low with respect to all Gm

and capacitor values. Taking into account the various input and output

impedances of the OTAs, the denominator of the realized transfer function can

be shown to be

DðsÞ ¼ s2 C2 C0
b þ C1ð Þ þ C1Cað Þ þ s C2G

0
b þ C1Ga þ C2Gm1 þ CaGm1ð Þ

þ Gm2Gm3 þ Gm1Ga

(3.71)

where

G0
b ¼ Gi1 þ Go4 þ Go1 þ Gi2 þ G03;Ga ¼ Gi3 þ Go2;Gd ¼ Gi1 þ Gi4 þ Go4;

C0
b ¼ Ci1 þ Co4 þ Co1 þ Ci2 þ Co3;Ca ¼ Ci3 þ Co2;Cd ¼ Ci1 þ Ci4 þ Co4

(3.72)

It can be seen that the pole-frequency and pole-Q are slightly affected by the

parasitic capacitances and output impedance of the various OTAs.

Taking into account the finite bandwidth of the OTA, the realized fifth-order

denominator of the transfer function can be seen to be

s5
t1t2t3
o2

p

þ s4
ðt1t2 þ t2t3 þ t3t1Þ

o2
p

þ s3
t1 þ t2 þ t3

o2
p

þ t2t3
opQp

 !

þ s2
1

o2
p

þ t2 þ t3ð Þ
opQp

 !
þ s

1

opQp

þ t1

 !
þ 1 (3.73)

Evidently the pole-frequency and pole-Q are affected by the bandwidths of the

OTAs:

op
2

o0
p
2
¼ 1þ t2 þ t3ð Þop

Qp

(3.74a)

and

opQp

o0
pQ0

p

¼ 1� opQp t2 þ t3ð Þ � t2t3o2
p (3.74b)
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Some techniques for compensating for the finite bandwidth of the OTA in

integrators have been suggested. In one method [3.46], [3.2] shown in Fig. 3.41a,

a resistance can be inserted in series with the integrating capacitor. The resulting

transfer function considering the output capacitance and resistance of the OTA, can

be derived as

Vo

Vi
¼ �

1þ sC R2 � 1
Gm

� �
1

GmRo
þ sC R1 þ R1þR2

GmRo
þ 1

Gm
þ Co

CGm

� �
þ s2 CCoðR1þR2Þ

Gm

(3.75a)

Note that the first term in the denominator is very small thus simplifying (3.75a) as

Vo

Vi
¼ �

1þ sC R2 � 1
Gm

� �
sCR1 1þ R1þR2

R1GmRo
þ 1

R1Gm
þ Co

R1CGm
þ s CoðR1þR2Þ

R1Gm

� � (3.75b)
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C 
Gm1

Vi
Vo

−

+

Ro1 Co1

Gm1
Gm2

Gm3

Vo

−

−
+

−

+

+
Vi

R2

−

+
R1

C 

Gm1

a

b

c

Vi

Vo

Fig. 3.41 Techniques for

frequency compensation

of OTA-based integrators:

(a) using a resistor in series

with integrating capacitor,

(b) using a composite OTA

employing feedforward, and

(c) using a resistor in series

with the integrating capacitor
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Evidently under the condition, the “s” terms in the numerator and denominator

in (3.75b) are equal, an ideal integrator can be realized. This yields R2 as the

solution of the quadratic equation

R2
2 þR2

1þGmR1

Go
þR1 � 1

Gm

� �
� 1

Gm

1þGmR1

Go
þR1 þ Co

CGo

� �
þCoR1

CGo

� �
¼ 0

(3.76)

Several authors [3.47, 3.48, 3.49] have suggested the use of composite OTAs

using feedforward compensation in place of the OTA of Fig. 3.41a as shown in

Fig. 3.41b. In this case, in place of Gm in (3.75a), we need to substitute

Gm ¼ Gm3 þ Gm1Gm2

Go1 þ sC01

(3.77)

where Ro1(¼ 1/go1) and Co1 are the output resistance and output capacitance of the

transconductance block realizing Gm1. Note also that the output impedance of

the Gm2 block and Gm3 block are already considered in the output resistance and

capacitance in Fig. 3.41a. The resulting transfer function of the integrator can be

derived as

Vo

Vi
¼�

�Gm4 1þsC R2� 1

Gm4
þGm3t
Gm4C

� �
þs2

Ct
Gm4

R2Gm3�1ð Þ
� �

2s3tCCoðR1þR2Þþs2 tC 1þ2GoðR1þR2Þþ2Co

C

� �
þ2CCoðR1þR2ÞþGm3CR1t

� �

þs 2GotþC 1þ2GoðR1þR2Þþ2Co

C

� �
þCR1Gm4

� �
þ2Go (3.78)

where gm4 ¼ gm3 þ gm1gm2Ro1. The value of R2 needed for phase cancellation can

be derived as

R2
2 þ

R2

2CGo
yþ 2Goðz� tÞ � 2Coð Þ þ yz� x

2C2Go

� �
¼ 0 (3.79)

where

x ¼ tC 1þ 2GoR1 þ 2Co

C

� �
þ 2CCoR1 þ Gm3CR1t (3.80a)

y ¼ 2Gotþ C 1þ 2GoR1 þ 2Co

C

� �
þ CR1Gm4 (3.80b)
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and

z ¼ Gm3t� C

Gm4
(3.80c)

Another technique of passive compensation of the intrinsic phase lag of the OTA

[3.2] is presented in Fig. 3.41c. The realized transfer function is obtained as

Vo

Vi
¼ �Gm 1þ sCR1ð Þ

sC 1þ s
ot

� � (3.81)

Thus the condition for compensation is ot ¼ 1
CR1

. Note, however, that this

technique does not compensate the effect of the finite output resistance and capaci-

tance of the OTA.

3.10 OTA-C Oscillators

Several OTA-C oscillators have been proposed in the literature. These can be

considered to be derived from OTA-C filters by removing the damping in a two-

integrator loop or by adding positive feedback through the use of a negative

resistance realized using OTAs. These are considered next.

The OTA-C oscillator of Fig. 3.42a realizes poles defined by the equation

s2 C1C2 þ C2C3 þ C1C3ð Þ þ sC1ðGm1 � Gm2Þ þ Gm1Gm2 ¼ 0 (3.82a)

Evidently, C2 or C3 can be zero leading to two oscillator structures described by

Abuelmaa’tti [3.50]. The condition for oscillation is Gm1 ¼ Gm2. We next consider

an oscillator due to Senani and Amitkumar [3.51] shown in Fig. 3.42b which is

obtained from a Wien bridge oscillator. The OTAs Gm1 and Gm3 realize resistors.

The OTA Gm2 and the resistor Ro realize a voltage amplifier. The realized poles are

given by

s2C1C2 þ s C2ðGm1 þ Gm3 � Gm2Gm3RoÞ þ C1Gm3ð Þ þ Gm1Gm3 ¼ 0 (3.82b)

Note that Ro needs to be realized using another OTA. The condition for oscilla-

tion can be derived for Gm1 ¼ Gm3 and C1 ¼ C2 as Gm2Ro ¼ 3. Consider another

oscillator due to Senani [3.52], shown in Fig. 3.42c whose poles are given by

s2C1C2 þ s C1Gm3 � C2Gm2ð Þ þ Gm1Gm3 ¼ 0 (3.82c)

Senani, Tripathi, Bhaskar and Banerjee [3.53] have described five more

oscillators. The oscillator of Fig. 3.42d realizes poles given by
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Fig. 3.42 OTA-C oscillators: (a) due to Abuelmaatti [3.50], (b) due to Senani and AmitKumar

[3.51], (c) Senani [3.52], (d)–(h) Senani, Tripathi, Bhaskar and Banerjee [3.53], and (i) Linares-

Barranco, Rodriguez-Vazquez, Sanchez-Sinencio and Huertas [3.54] ((a) Adapted from [3.50]

#IET1989, (b) adapted from [3.51] #IET 1989, (c) adapted from [3.52] #IET 1989, (d)-(h)

adapted from [3.53] #IET 1990)
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s2C1C2 þ sC2ðGm1 � Gm2Þ þ Gm2Gm3 ¼ 0 (3.82d)

The oscillator of Fig. 3.42e realizes poles given by

s2C1C2 þ s C1ðGm2 � Gm3Þ � C2Gm1ð Þ þ Gm1Gm3 ¼ 0 (3.82e)

The circuit of Fig. 3.42f realizes poles given by

s2C1C2 þ s C2Gm1 � C1Gm2ð Þ þ Gm2Gm3 ¼ 0 (3.82f)

On the other hand, the circuit of Fig. 3.42g realizes poles given by

s2C1C2 þ s C1Gm2 � C2Gm1ð Þ þ Gm2ðGm3 � Gm1Þ ¼ 0 (3.82g)

In another OTA-C oscillator shown in Fig. 3.42h, we have the poles given by

s2C1C2 þ sC1ðGm3�Gm2Þ þ Gm1Gm3 ¼ 0 (3.82h)

Linares-Barranco, Rodriguez-Vazquez, Sanchez-Sinencio, and Huertas [3.54]

have described five OTA-C oscillators that can be derived from the general circuit

of Fig. 3.42i. The realized poles are given by
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Fig. 3.42 (continued)
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s2 ðC1 þ C3 þ ð1� aÞC4ÞðC2 þ ð1� bÞC6Þ þ C3ðC1 þ ð1� aÞC4Þ
� �

þ s
C3ðGm2�Gm1Þ � ðC3 þ C2 þ ð1� bÞC6ÞðGm3 � Gm5 þ aGm7Þ
þ ðbGm6 þ Gm4ÞðC3 þ C1 þ ð1� aÞC4Þ

 !

þ Gm1Gm2 þ ðGm5 � Gm3 � aGm7ÞðbGm6 þ Gm4Þ ¼ 0 (3.83)

The various cases are:

(a) Gm3 ¼ Gm4 ¼ Gm5 ¼ Gm6 ¼ Gm7 ¼ 0 and C4 ¼ C5 ¼ C6 ¼ C7 ¼ 0

(b) Gm4 ¼ Gm5 ¼ Gm6 ¼ Gm7 ¼ 0 and C4 ¼ C5 ¼ C6 ¼ C7 ¼ C3 ¼ 0

(c) Gm5 ¼ Gm6 ¼ Gm7 ¼ 0 and C4 ¼ C5 ¼ C6 ¼ C7 ¼ C3 ¼ 0

(d) Gm4 ¼ Gm6 ¼ Gm7 ¼ 0 and C4 ¼ C5 ¼ C6 ¼ C7 ¼ C3 ¼ 0

(e) Gm3 ¼ Gm4 ¼ Gm5 ¼ 0 and C1 ¼ C2 ¼ C3 ¼ 0

The condition for oscillation and frequency of oscillation can be determined

easily from (3.83).

The basic principle of all these oscillators is that the poles be defined by an

equation of the form s2 + bs + c ¼ 0 where the value of b shall be such as to

cancel the positive terms that may arise because of the finite input and output

resistances of the OTAs. Even though the two lossless integrators in a negative

feedback loop can realize ideally a sinusoidal oscillator, the parasitics may shift the

poles to the left half of the complex plane. Hence a degree of freedom shall exist to

bring them onto the imaginary axis of the complex frequency plane.

In practice, oscillators need to have an amplitude control loop or have native

amplitude limiting by exploiting the nonlinear behavior of OTAs. The reader is

referred to [3.55, 3.56, 3.57] for information on these designs.

3.11 Derivation of Voltage-Mode OTA-C Filters from Active

RC Filters and Current-Mode OTA-C Filters from

Voltage-Mode OTA-C Filters

It is possible to derive voltage-mode OTA-C filters from active RC filters by using

the nodal voltage simulation technique [2.41]. As an illustration, consider the

voltage-mode Sallen–Key second-order high-pass active RC filter of Fig. 3.43a.

The node voltages can be written at nodes x and y as

ðVi � VxÞsC1 þ ðVo � VxÞsC2 þ ðVo � VxÞ
R1

¼ 0 (3.84a)

ðVx � VoÞsC2 ¼ Vo

R2

(3.84b)
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The circuit of Fig. 3.43b implements exactly these equations. Note that

Gm1 ¼ 1/R1 and Gm2 ¼ 1/R2. However, the matters may not be that simple in the

case of other active RC filters. As an illustration, consider the Sallen–Key second-

order low-pass active RC filter of Fig. 3.43c. Proceeding in a similar manner, the

circuit of Fig. 3.43d can be obtained wherein a buffer opamp will be needed to

provide the needed isolation. The reader is urged to derive in a similar manner,

OTA-C filters from other active RC filters. In some cases, the number of capacitors
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Fig. 3.43 (a) Sallen and Key second-order low-pass filter, (b) OTA-C filter derived from (a), (c)

Sallen and Key high-pass filter, and (d) OTA-C filter derived from (c) ((b) and (d) Adapted from

[3.4] #IEEE 1985)
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needed may be more as well as the number of OTAs. In addition, some matching

requirements on OTAs and capacitors may be present.

It is possible to derive current-mode OTA-C filters from active RC filters

directly using Ahmed, Awad, and Soliman’s technique [3.58]. As an illustration,

consider the KHN active RC biquad presented in Fig. 3.44a. The equations at

various nodes can be written easily as follows.

sC1VBP ¼ �G1VHP; sC2VLP ¼ �G2VBP; G3ðVi � VnotchÞ
¼ G4ðVnotch � VBPÞ; G5ðVLP � VnotchÞ ¼ G6ðVnotch � VHPÞ (3.85)

The first step is to substitute in place of various node voltages Vi, node currents Ii
yielding the following equations.

C1IBP ¼ �G1IHP
s

; C2ILP ¼ �G2IBP
s

; G3ðIi � InotchÞ
¼ G4ðInotch � IBPÞ; G5ðILP � InotchÞ ¼ G6ðInotch � IHPÞ (3.86)

Defining Ĉ1 ¼ CG
G1

, Ĉ2 ¼ CG
G2

,Ĝ1 ¼ CG
C1
, Ĝ2 ¼ CG

C2
, Ĝ3 ¼ G2

G3
, Ĝ4 ¼ G2

G4
, Ĝ5 ¼ G2

G5
and

Ĝ6 ¼ G2

G6
, (3.86) can be rewritten as

1

Ĝ1

IBP ¼ � 1

sĈ1

IHP;
1

Ĝ2

ILP ¼ � 1

sĈ2

IBP;

1

Ĝ4

Inotch ¼ � 1

Ĝ3

ðIi � InotchÞ þ 1

Ĝ4

IBP;

1

Ĝ6

IHP ¼ � 1

Ĝ5

ðInotch � ILPÞ þ 1

Ĝ6

Inotch

(3.87)

These equations can be easily realized using OTAs with multiple current

outputs. Note that the OTAs realize the currents ðIBP � InotchÞ; IBP; ðIHP � InotchÞ;
ILP from which other currents are obtained by adding the appropriate mirrored

output currents as shown in Fig. 3.44b. As an illustration, ILP � Inotch needed in

(3.87) is obtained as

ILP � Inotch ¼ IBP � Inotch � IBP þ ILP (3.88)

Evidently, the filter needs two grounded capacitors and same number of OTAs as

in the original active RC filter but OTAs have several current outputs. It may be

noted that the KHN biquad can be designed usingG5 ¼ G6 in which case the circuit

can be simplified as shown in Fig. 3.44c. Note that from (3.86), under the condition

G5 ¼ G6, we have

2Inotch
ðG3 þ G4Þ

2
¼ G3Ii þ G4IBP; IHP ¼ 2Inotch � ILP (3.89a)
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Fig. 3.44 (a) KHN active RC biquad, (b) current-mode OTA-C filter derived from (a), and

(c) simplification of (b) when G5 ¼ G6 (Adapted from [3.58] #Birkhauser 2006)
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Defining Ĝ3 ¼ G2

G3
, Ĝ4 ¼ G2

G4
, Ĝ5 ¼ 2G2

G3þG4
, (3.87) reduces to

2Inotch
1

Ĝ5

¼ 1

Ĝ3

Ii þ 1

Ĝ4

IBP (3.89b)

The reader is urged to apply the technique to the Friend’s biquad which may lead

to the need for more capacitors.

It is possible to generate current-mode OTA-C filters from voltage-mode OTA-C

filters using the transposition principle [3.59, 3.60, 3.61]. In this method, the voltage

input is grounded and the output current flowing to ground at this terminal is tapped.

The input current is fed at the output voltage terminal. Furthermore, all the OTAs are

reversed in the sense that the out terminal will be the new input voltage terminal of

the OTA with the other input of the OTA grounded. The input voltage terminal will

be the OTA output current terminal. As an illustration, consider the differentiator of

Fig. 3.4d redrawn in Fig. 3.45a. The new current-mode filter is as shown in

Fig. 3.45b. Next consider the voltage-mode first-order all-pass filter of Fig. 3.45c

and its transpose current-mode filter derived as shown in Fig. 3.45d. As another

example, a voltage-mode OTA-C biquad and its current-mode version are shown in

Fig. 3.45e, f, respectively. The technique can be applied to oscillators as well.

Consider the two OTA-C oscillators of Abuelmaa’tti [3.50] of Fig. 3.45g, h of

which one can be derived from another.

3.12 Distortion in OTA-C Filters

Transconductors generally have higher bandwidth than operational amplifiers and

can be tuned electronically and lead to simple circuitry. The transconductance of

the OTA is the transconductance of the driver transistors and can be varied by bias
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Fig. 3.44 (continued)
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Fig. 3.45 (a) Voltage-mode OTA-C differentiator, (b) current-mode differentiator derived from

(a), (c) voltage-mode first-order all-pass filter, (d) current-mode OTA-C first-order all-pass filter

derived from (c), (e) voltage-mode two-integrator loop OTA-C biquad, (f) current-mode filter

obtained from (e), (g) OTA-C oscillator, and (h) another OTA-C oscillator obtained by transposi-

tion ((a)–(g) Adapted from [3.64]#Birkhauser 2003)



current. The advantage of using the differential structure shown in Fig. 3.46a is that

the linearity of the output signal is improved due to the absence of even-order

distortion. There is a tradeoff between linearity and speed in the design of the OTA.

Gain, noise, and speed are affected, for example, by using emitter/source degener-

ation and the linearity is improved. Transconductances can operate at very high

frequencies but distortion of the output signal can be considerably high.

Theoretically, the transconductance remains constant irrespective of the input

voltage. However, in practice, this is true only for small input voltages. In other

words, the output current is not linearly dependent on the input voltage. This will

result in output distortion and amplitude-dependent transconductance. Thus, the

input voltage must be kept small enough so that the transconductor exhibits linear

V-I conversion.

The transconductance typically can be expressed as

Gm ¼ Gm

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1� Gm Vinj j

2IBIAS

� �2
s

(3.90)

where │Vin│ is the amplitude of the input signal, and Gm the small-signal transcon-

ductance equals
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
k0IBIAS W

L

� �q
. Hence when Vin is much smaller than 2IBIAS/Gm, the
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transcondutance gain is independent of │Vin│. Under these conditions, the third

harmonic distortion can be found as

HD3 ¼
k0 W

L

� �
Vinj j2

32IBIAS
ffi l2

32
(3.91a)

where l ¼ Iout
IBIAS

and Iout is the amplitude of the output current. Thus it can be seen

that l plays an important role in deciding the distortion in the output current of the

OTA. In addition to bias current, the supply voltage also plays a role in the linearity

of the circuits. When the supply voltage is small, the signal may get clipped and

distorted. In biquads, however, the relation of bias current to output current is the

main cause of distortion.

In the case of OTAs realized using bipolar transistors, for small input signals,

G ¼ Gm ¼ 2IBIAS
VT

and the third harmonic distortion is given by

HD3 ¼
Vinj j
2VT

� �2
12

ffi l2

32
(3.91b)

3.13 Noise Analysis of OTA-C Biquads

Transconductors have inherent noise that can be modeled as a noise voltage source

in series with the input terminal and a noise current source to ground to the input

terminal as shown in Fig. 3.46b. The noise can be expressed as
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v2n ¼
8

3
1þ Gm3

Gm1

� �
kTDo
pGm1

(3.92)

where Gm1 is the transconductance of the driver transistor and Gm3 that of the load

transistor (see Fig. 3.46a), k is Boltzmann’s constant, and T is absolute temperature.

The total noise of the OTA of transconductance Gm can be expressed as voltage

and current noise given by

v2n ¼ gv
kTDo
pGm

(3.93a)

and

i2n ¼ gi
kTGmDo

p
(3.93b)

where gv and gi are voltage and current noise factors, respectively, and are usually

greater than unity. For the circuit of Fig. 3.46a, gi ¼ 0 and gv ¼ 8
3

1þ Gm3

Gm1

� �
:

Moreover, gv is always larger than gi.
It is useful to derive the total noise first of a second-order OTA-C voltage mode

filter [3.62] shown in Fig. 3.46c wherein all the relevant voltage and current sources

are shown. Routine analysis yields the transfer functions at the band-pass and low-

pass outputs as

VBP ¼�sC2ðIn2þ In3þ vn3Gm3þ vn4Gm4þ vn1Gm1� viGm1Þþ in4Gm4þ vn2Gm2Gm4

s2C1C2þ sC2Gm3þGm2Gm4

(3.94a)

and

VLP ¼

sC1vn2Gm2þ vn3Gm2Gm3þ vn4Gm2Gm4þ vn1Gm1Gm2þ vn2Gm2Gm3

� vinGm1Gm2þ in4ðsC1þGm3Þþðin2þ in3ÞGm2

 !

s2C1C2þ sC2Gm3þGm2Gm4

(3.94b)

Assuming that the contribution of the noise current sources is negligible compared

to noise voltage sources, it is first necessary to find the squared magnitude of the

various transfer functions of the noise sources vn1,vn2,vn3, and vn4 to the output.

These can be seen to be low-pass and band-pass types only. The integrals of the low-

pass and band-pass transfer functions already have been derived in Chap. 2 and turn

out to be Qppop/2 (see (2.136a) and (2.136b)). Using these together with the

expressions for the spectral density of noise voltage sources of OTAs given in

(3.93), we obtain the total noise as
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v2n;BP ¼ kT
Gm4

2C2

g2
Gm2

þ C2

Gm2Gm4C1

ðg3Gm3 þ g4Gm4 þ g1Gm1

� �
(3.95a)

and

v2n;LP ¼ kT
Gm4

2C2

g2C1

Gm4C2

þ G2
m3

G2
m4

g2
Gm2

þ g3
Gm3

� �
þ g4
Gm4

þ g1Gm1

G2
m4

 !
(3.95b)

For the choice of components C1 ¼ C2, Gm2 ¼ Gm4, Gm3/Gm4 ¼ 1/Q, we have
from (3.95),

v2n;BP ¼ kT

2C2

gvBP ¼ kT

2C2

g2 þ
g3
Q

þ g4 þ
g1Gm1

Gm4

� �� �
(3.96a)

and

v2n;LP ¼ kT

2C2

gvLP ¼ kT

2C2

g2 þ
1

Q2
g2þg3Qð Þ þ g4 þ

g1Gm1

Gm4

� �
(3.96b)

It is thus evident that the total noise is inversely proportional to the integrator

capacitance. If the assumption C1 ¼ C2 is not used, in place of C2 in (3.96), we will

have
ffiffiffiffiffiffiffiffiffiffiffi
C1C2

p
.

We next examine the power dissipation of the OTA-C filters. Considering the

OTA-C filter of Fig. 3.46c, the power dissipation can be written as the sum of the dc

power dissipation of all four OTAs. The low distortion requirement stipulates that li
defined earlier, that is, the ratio of Idc to the maximum output current Iout, shall be
very small. The power dissipation thus can be expressed as

PD ¼
X4
i¼1

VDD
Iij jmax

li
¼ VDD

li

X4
i¼1

Iij jmax (3.97)

These maxima Iij jmax occur approximately at the pole-frequency for high pole-Q
designs. Denoting Vinj j as the amplitude of the input signal, these are, respectively,

as follows.

I1j jmax ¼ Vinj jGm1 (3.98a)

I2j jmax ¼ Vinj jGm1Gm2

Gm3
(3.98b)

I3j jmax ¼ Vinj jGm1 (3.98c)

I4j jmax ¼ Vinj jGm1 if Q <
1ffiffiffi
2

p (3.98d)

3.13 Noise Analysis of OTA-C Biquads 241



I4j jmax ¼ Vinj j Gm1Qffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1� 1

4Q2

q if Q >
1ffiffiffi
2

p (3.98e)

Thus the total power dissipation can be obtained as

PD ¼¼ VDD

li
VinGm1 3þ Gm2

Gm3

� �
if Q<

1ffiffiffi
2

p (3.99a)

and

PD ¼¼ VDD

li
VinGm1 2þ Gm2

Gm3
þ Qffiffiffiffiffiffiffiffiffiffiffiffiffiffi

1� 1
4Q2

q
0
B@

1
CA if Q >

1ffiffiffi
2

p (3.99b)

We finally consider the dynamic range of the OTA-C filter. The minimum signal

level that the filter can handle is decided by the biquad noise, whereas the maximum

signal level is decided by the acceptable THD (third harmonic distortion):

DRn%THD ¼ signalj j2n%THD=2

noise2
(3.100a)

where │signal│2 n%THD is the magnitude of the output signal when its THD reaches

n%. Hence for low-pass output, DR can be obtained as

DR ¼ vLPj j2=2
v2LP;n

(3.100b)

It is interesting that a relationship between speed (implying capability to realize

high pole-frequencies), power dissipation, and dynamic range can be found from

(3.96b), (3.99b), and (3.100b) as

PD2 ¼ DRkTV2
supgvLP

l2
3þ Gm2

Gm3

� �2 G2
m4ffiffiffiffiffiffiffiffiffiffiffi

C1C2

p (3.101)

Note that the pole-frequency is implicit in C1, C2, and Gm4 values and that PD2

can also be expressed in terms of DR and gvBP.
The analysis of the current-mode filter of Fig. 3.46d can be carried out in a

similar manner. Note that in this case, the OTA Gm1 is not present. In addition, the

node voltages are converted into currents using the OTA Gm4. This is a wideband

device and hence the noise needs to be integrated over the frequency band of

interest. Detailed analysis shows that the voltage-mode filter is superior to the

current-mode filter. The reader is referred to [3.62] for more information.
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Example 3.3 Analyze the noise of the OTA-C biquad of Fig. E.3.1 with C1 ¼ C2

¼ 10 pf and C1 ¼ C2 ¼ 50 pf and appropriate Gm values to realize the same pole

frequency and pole-Q.

*OTA C two integrator loop noise analysis

gm1 2 0 11 0 628.57umho

gm3 3 0 0 31 628.57umho

gm4 2 0 41 0 628.57umho

gm2 2 0 0 21 62.857umho

C1 2 0 10pf

C2 3 0 10pf

*gm1 2 0 11 0 3142.85umho

*gm3 3 0 0 31 3142.85umho

*gm4 2 0 41 0 3142.85umho

*gm2 2 0 0 21 314.285umho

*C1 2 0 50pf

*C2 3 0 50pf

Xnoise1 1 11 0 Noisesources

Xnoise2 2 31 0 Noisesources

xnoise3 3 41 0 Noisesources

xnoise4 2 21 0 noisesources

.subckt noisesources in out grnd

V1 58 0 dc 0.1

V2 60 0 dc 0.1

D1 58 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE

R31 61 0 726.4

E1 in out 59 61 1

V17 62 0 0

R32 62 0 73.6

FN1 out 0 V17 1

.ends noisesources

vin 1 0 ac 0

.noise v(3) vin dec 10 0.5 50000000 1

.MODEL DIODE D(AF¼1.0,IS¼0.001F,KF¼1.667E-9)

The results with 10pF capacitors and the noise spectrum are as follows:

onoise_total ¼ 2.914011e-07

onoise_total_d:xnoise1:d1 ¼ 2.879963e-15

onoise_total_d:xnoise1:d1_1overf ¼ 2.877193e-15

onoise_total_d:xnoise1:d1_id ¼ 2.770007e-18

onoise_total_d:xnoise1:d1_rs ¼ 0.000000e+00

onoise_total_d:xnoise1:d2 ¼ 2.879963e-15

onoise_total_d:xnoise1:d2_1overf ¼ 2.877193e-15

onoise_total_d:xnoise1:d2_id ¼ 2.770007e-18
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onoise_total_d:xnoise1:d2_rs ¼ 0.000000e+00

onoise_total_d:xnoise2:d1 ¼ 1.425000e-15

onoise_total_d:xnoise2:d1_1overf ¼ 1.422244e-15

onoise_total_d:xnoise2:d1_id ¼ 2.756068e-18

onoise_total_d:xnoise2:d1_rs ¼ 0.000000e+00

onoise_total_d:xnoise2:d2 ¼ 1.425000e-15

onoise_total_d:xnoise2:d2_1overf ¼ 1.422244e-15

onoise_total_d:xnoise2:d2_id ¼ 2.756068e-18

onoise_total_d:xnoise2:d2_rs ¼ 0.000000e+00

onoise_total_d:xnoise3:d1 ¼ 2.879963e-15

onoise_total_d:xnoise3:d1_1overf ¼ 2.877193e-15

onoise_total_d:xnoise3:d1_id ¼ 2.770007e-18

onoise_total_d:xnoise3:d1_rs ¼ 0.000000e+00

onoise_total_d:xnoise3:d2 ¼ 2.879963e-15

onoise_total_d:xnoise3:d2_1overf ¼ 2.877193e-15

onoise_total_d:xnoise3:d2_id ¼ 2.770007e-18

onoise_total_d:xnoise3:d2_rs ¼ 0.000000e+00
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3.14 Problems

P.3.1. It is possible to compensate the finite frequency dependent Gm of an OTA

by using partial positive feedback using another OTA [3.63] as shown in

Fig. P.3.1. Analyze the circuit and determine the condition for phase

compensation.

P.3.2. Analyze the oscillators shown in Fig. 3.42 taking into account the finite

output impedance of the OTAs. Derive the condition for oscillation and

frequency of oscillation.

P.3.3. The table-based simulation technique of Hwang, Liu, Wu, and Wu [3.39]

does not include floating capacitor simulation. Suggest solutions for

realizing an OTA-C filter from the prototype ladder filter of Fig. P.3.3.

P.3.4. Analyze the effect of OTA output resistance and capacitance on the perfor-

mance of OTA-C filters of Fig. 3.6a–c.

P.3.5. Derive a voltage-mode OTA-C filter from Friend’s biquad of Fig. 2.11a and

discuss the limitations/advantages.

P.3.6. Suggest methods of scaling the OTA-C filter of Fig. 3.6a for optimal

dynamic range.

P.3.7. Derive a current-mode OTA-C fiter from Friend’s active RC biquad of

Fig. 2.11a using the technique of Ahmed, Awad, and Soliman [3.58].

P.3.8. Analyze the sensitivities of a fourth-order OTA-C filter realized using the

technique of Fig. 3.36a.

P.3.9. Analyze the effect of mismatch of current mirrors used to obtain multiple

output currents on the performance of the OTA-C filter of Fig. 3.16.

P.3.10. Analyze the effect of finite output resistance and output capacitance of the

OTAs on the performance of the first-order circuits of Fig. 3.4.

P.3.11. Analyze the effect of nonideal OTA on the performance of the first-order

all-pass filters of Fig. 3.5c–j. Use SPICE to verify your results.

+

+

−

−

V1

V2

Gma

Gmb

Io

Fig. P.3.1

L1 L3

C2Rs

RL

Vi VoFig. P.3.3
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P.3.12. Analyze the effect of the frequency response of OTA on the pole-frequency

and pole-Q of the OTA-C filter of Fig. 3.16.

P.3.13. Derive an OTA-C filter from the third-order elliptic filter prototype low-

pass filter showing all component values. Analyze the effect of parasitics of

all OTAs using SPICE.

P.3.14. Using SPICE, compare the OTA-C filter of Fig. 3.30b with that of

Fig. 3.28d.

P.3.15. Derive OTA-C filters not needing buffers from the circuit of Fig. 3.43d.

P.3.16. Derive an OTA-C filter from Bach’s active RC filter of Fig. P.2.13 using the

nodal voltage simulation technique.

P.3.17. Derive a voltage-mode OTA-C filter from the KHN active RC biquad using

the nodal voltage simulation technique. Compare with the current-mode

filter of Fig. 3.44b.

P.3.18. Derive the various voltage and current transfer functions of the OTA-C

filter of Fig. 3.21b. Show how band-stop, low-pass, and high-pass current

transfer functions can be obtained.

P.3.19. Derive all the voltage and current transfer functions of the OTA-C biquad

of Fig. 3.21c.

P.3.20. Derive the voltage and current transfer functions of the circuit of Fig. 3.21d

under the condition Iin1 ¼ Iin2 ¼ Iin, Gm1 ¼ Gm2 ¼ Gm3, C2 ¼ C3. Also

derive the various transfer functions with Iin2 ¼ 0 and discuss their utility.

P.3.21. Show that low-pass, noninverting high-pass current transfer functions are

available from the circuit of Fig. 3.21e.

P.3.22. Derive the various transfer functions of the circuit of Fig. 3.22a–e and

compare them.
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Chapter 4

Switched Capacitor Filters

The main limitation of active resistor–capacitor (RC) filters or operational

transconductance amplifier (OTA)-capacitor (OTA-C) filters is that the perfor-

mance is dependent on the component values thereby needing some techniques

for automated tuning. This has spurred research into alternative technologies

wherein the tuning requirements are not present. One such technique is the

switched-capacitor technique which was invented before OTA-C filters were

popularized. In this chapter, we study the topic of switched capacitor (SC) filter

design in a systematic manner.

4.1 Basic Concept of Switched-Capacitor Resistor

The realization of a resistor using an SC [4.1, 4.2, 4.3] is shown in Fig. 4.1a. This

circuit uses two metal-oxide semiconductor (MOS) switches and a MOS capacitor.

The switches are driven by a two-phase, nonoverlapping clock, as shown in

Fig. 4.1b. In phase 1, the capacitor C1 is connected to the voltage source v1 by

closing the switch S1. Thus, the capacitor C1 charges to the voltage v1 and has the

charge C1v1. In phase 2, the switch S2 is turned on and switch S1 is turned off. Thus,
the capacitor has the charge C1v2. In effect, the charge that has been transferred is

(C1v1�C1v2) in a time interval T. Noting that current i is defined as

i ¼ incremental charge flown

time
¼ dq

dt
(4.1)

we have

i ¼ C1 ðv1 � v2Þ
T

¼ ðv1 � v2Þ
T
C1

� � ¼ ðv1 � v2Þ
R

(4.2)
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Thus an effective resistance of T/C1 is realized. This quickly leads to the

observation that resistance can be tuned by changing the sampling frequency

fs ¼ 1/T. In addition, note that a very small value of capacitance C1 can realize a

very large resistance. For example, a 0.01-pF capacitor with a sampling frequency

of 1 MHz can realize a resistance of value 100 MΩ.

Now, consider the circuit of Fig. 4.2a; by replacing the resistor R1 with an SC, we
obtain the SC low-pass filter shown in Fig. 4.2b. The time constant t needed in

the RC circuit is R1C2, which corresponds to

t ¼ R1 C2 ¼ T

C1

� �
C2 ¼ T

C2

C1

� �
(4.3)

It is very interesting to note that the time constant is controlled by the ratio of
capacitors and a controllable parameter clock period T. The ratios are controlled by
the mask design accurately delineating the areas of capacitors C1 and C2. Thus the

pole frequency of filters using this technique can be controlled by ratios of

capacitors, an attractive proposition.

The grounded capacitors used in Figs. 4.1a and 4.2b have parasitic capacitance of

top plates Cp1 and Cp2, as shown in Fig. 4.2c, which increases the value of C1 to

(C1 + Cp1) and C2 to (C2 + Cp2), thus changing the realized time constant.

The parasitic at the bottom plate of the capacitor is nonlinear and generally high

(of value 20–30% of the capacitance value C1). Since the bottom plate of the

capacitanceC1 is connected to ground, this parasitic capacitance does not contribute

to any errors.

In a similar manner, an inverting SC integrator can be obtained by replacing the

resistor in an active RC integrator with an SC. The resulting circuit is shown in

Fig. 4.3a. Note that the parasitic capacitance across C1 changes the time constant of

the integrator from T(C2/C1) to T(C2/(C2 + Cp1)). It is therefore necessary to have

techniques where the circuits can be made parasitic-insensitive or stray-insensitive.
This is possible by using the circuit shown in Fig. 4.3b [4.4]. Note that in this circuit,

v1 v2

CP

S1 S2

C1

a

ϕ2ϕ1

b

Φ1

Φ2

Fig. 4.1 (a) Resistor

realization using a switched

capacitor and (b) switching

waveforms used in (a)
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Fig. 4.3 SC integrators: (a) a parasitic-sensitive inverting integrator, and (b) a stray-insensitive
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Fig. 4.2 (a) First-order RC low-pass filter, (b) circuit obtained using a switched-capacitor in place

of resistor R, and (c) actual realized circuit including parasitic capacitances
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the parasitic capacitances are also shown. In phase 1, the capacitor C1 charges to the

input voltage and transfers the charge to the capacitor C2, which still has the charge

obtained in previous such operations. In phase 2, the capacitorC1 is discharged since

both terminals are grounded. The parasitic capacitance Cp1 is charged to input and

discharged to ground, thus not transferring any input-dependent charge to capacitor

C1. On the other hand, the parasitic capacitance Cp2 is charged to virtual ground
considering that the opamp has high gain and is discharged to ground, thus not

causing any charge transfer to C2. The circuit is therefore parasitic-insensitive.

SC circuits can be analyzed by writing a charge conservation equation at various

nodes in the network in each phase. However, it is convenient and efficient to use

the z-domain equivalent circuits as described by Laker [4.5]. We consider this

technique in the next section so that it can be used as a tool to derive the transfer

functions of complex SC networks.

4.2 Analysis of SC Filters

4.2.1 Laker’s z-Domain Equivalent Circuit Method

In SC circuits, either terminal of a capacitor may be connected in either phase 1 or

phase 2 to some other capacitors, voltage sources, ground or virtual ground,

or positive or negative input of opamps [4.5]. Thus, charge transfer takes place

between various capacitors during either phase. Consider a capacitor in the SC

network shown in Fig. 4.4a. Charge flows through terminal 1 in both phases of the

clock and leaves from terminal 2. Since the capacitor is bilateral, similarly, charge

enters the capacitor at terminal 2 and leaves from terminal 1. There is a time delay

between the present phase and the next phase. We denote the two phases as “even”

and “odd” for convenience and the suffix “e” stands for even phase and “o” stands
for odd phase. With these basic ideas in mind, we can write the following four

equations at both terminals 1 and 2 in each phase.

DQ1e ðzÞ ¼ CðV1e �V2eÞ � CðV1o �V2oÞ z�1
2 (4.4a)

DQ1o ðzÞ ¼ CðV1o �V2oÞ � CðV1e �V2eÞ z�1
2 (4.4b)

DQ2e ðzÞ ¼ CðV2e �V1eÞ � CðV2o �V1oÞ z�1
2 (4.4c)

DQ2o ðzÞ ¼ CðV2o �V1oÞ � CðV2e �V1eÞ z�1
2 (4.4d)

where DQ is the incremental charge flowing into the terminal during the phase

under consideration. Note that all the z transforms of variables appear in (4.4).

Equations (4.4a, 4.4b, 4.4c, 4.4d) mean that the incremental charge flow into any
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terminal is given by (present charge – previous charge) and the term z-1/2 indicates
the timing relationship “previous” to “present,” implying a delay of a half-cycle.

Laker [4.5] has observed ingeniously that the four equations can be completely

represented by the equivalent circuit given in Fig. 4.4b. These four equations are

basically charge-to-voltage relationships and hence the voltage differences need to

be multiplied by capacitances. Note that each node in the original circuit becomes

two nodes labeled “even” and “odd” by the suffixes e and o, respectively. However,
the term Cz�1/2 is not just a capacitor but has a delay in addition. Although the

equivalent circuit looks bewildering, in practical circuits, the use of the equivalent

circuit considerably simplifies the analysis. Note that the opamp in SC circuits is

considered as two opamps: one in the even phase and one in the odd phase.

As an illustration, consider the SC integrator shown in Fig. 4.5a. Substituting

Laker’s z-domain equivalent circuit for both the capacitors and using two opamps,

the interconnection in the original circuit can be transferred to the equivalent

circuit. Thus, the circuit of Fig. 4.5b is obtained. Fortunately, much simplification

can be made by noting the following. The connection of any component between

V1e

V1e

Cz–1/2 Cz–1/2

–Cz–1/2

–Cz–1/2

V2e

V2e

V2o

V2o

ΔQ1e

ΔQ1e

ΔQ1o

ΔQ1o

ΔQ2e

ΔQ2e

ΔQ2o

ΔQ2o

V1o

V1o

C

C

a

b

21

C
3 4

Fig. 4.4 (a) A capacitor in an SC circuit and (b) its z-domain equivalent circuit
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virtual grounds of two opamps or two output terminals of two opamps does not

contribute to the circuit. Hence, these can be deleted. Similarly, a component

between ground and virtual ground or source to ground also does not serve any

purpose. With these simplifications, we get the much simpler circuit of Fig. 4.5c.

This circuit can be analyzed easily by writing two charge conservation equations

(CCEs) at nodes 3e and 3o:

Vie C1 þVoe C2 �Voo C2 z�1=2 ¼ 0 (4.5a)
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+ 

–
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Fig. 4.5 (a) An SC integrator, (b) a z-domain equivalent circuit, (c) a simplified version of (b),

and (d) a series-switched capacitor
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and

Voo C2 �Voe C2 z�1=2 ¼ 0 (4.5b)

Solving these two equations, we obtain the transfer function of the circuit as

Voe

Vie
¼ � C1

C2 ð1� z�1Þ (4.6a)

Voo ¼ Voe z
�1 2= (4.6b)

This corresponds to a stray-insensitive inverting integrator. Note that Eq. 4.6b

means that the output in the odd phase is a “half-cycle delayed version of the output

in the even phase.” In other words, we can say that “the output is held over a clock

period.” This is since the charge transfer takes place to the integrating capacitor in

only one phase. We also note that Vio has no effect since the input is disconnected

from the circuit in the odd phase. In general, note that there are four transfer

functions possible for a two-phase SC circuit: voe/vie, voo/vie, voe/vio, and voo/vio.
It is convenient to ensure that charge transfer takes place in only one phase so that

circuits can be cascaded without needing an interface in between. In addition, the

opamp will have enough time to settle, that is, to enable the capacitors to charge to

the final signal voltage value.

If we wish to consider the output in the odd phase, we have seen from Eqs. 4.6a

and 4.6b that

Voo

Vie
¼ � C1 z�1=2

C2 ð1� z�1Þ (4.6c)

This corresponds to a lossless discrete integrator (LDI) type [4.6, 4.7] using LDI

type of s ! z transformation given as s ! 1� z�1

T z�1=2
. On the other hand, if we choose

Eq. 4.6a itself, it corresponds to the backward Euler transformation [4.7]; that is,

s ! 1� z�1

T
. This SC branch comprising C1 and the associated four switches in

Fig. 4.5a is known as a series-switched capacitor, and in the original form was

presented as shown in Fig. 4.5d [4.2]. Intuitively, the capacitor is discharged in one

phase so that it loses its “memory,” making it a resistor causing charge transfer only

in one phase. In this form, however, the branch will be affected by the parasitic

capacitances and thus not used in practice.

4.3 First-Order SC Circuits

Armed with the equivalent circuit, we can quickly derive the transfer functions of

SC circuits. Some first-order SC circuits are presented in Fig. 4.6a–d. SCs can

facilitate some tricks to simplify the hardware.
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Fig. 4.6 SC building blocks: (a) a noninverting integrator, (b) a lossy inverting integrator,

(c) a bilinear integrator (Adapted from [4.8] # IEE 1980), (d) a first-order circuit with output

held over a clock period (Adapted from [4.9] # IEE 1982), (e),(f) SC amplifiers(Adapted from

[4.10] # IEEE 1983), (g) an SC differentiator, (h) an SC differentiator using fully differential

output opamp (Adapted from [4.11] # IEEE 1992), (i) an integrator with input and feedback

capacitors multiplexed (Adapted from [4.12] # IEEE 1984), and (j) an all-pass filter (Adapted

from [4.12] # IEEE 1984)
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A noninverting integrator [4.1] can be obtained by simple change of the input

SC, as shown in Fig. 4.6a. This circuit also is stray-insensitive. Note that in this

circuit, the capacitor C1 is charged to the input voltage in phase ф1. Consider that

Vin is positive, for illustration; the capacitor terminals assume the polarity as

shown. Hence, in the other phase, when the input is grounded, the capacitor looks

as though it has negative voltage in series which is transferred to C2. Thus a

noninverting integrator can be realized by just interchanging the controlling phases

of the input switches. The circuit of Fig. 4.6a thus saves one opamp additionally

needed to realize a noninverting integrator from an inverting integrator.

A lossy integrator is presented in Fig. 4.6b, which is easily obtained by shunting

the integrating capacitor with a resistance simulated using an SC. The transfer

function of the lossy integrator is given by

Voe

Vie
¼ � C1

C2 ð1� z�1Þ þ C3

(4.7)

The circuit evidently is stray-insensitive and has output held over a clock period.

The circuit of Fig. 4.6c [4.8] realizes a transfer function given by

Voe ¼ �C1 Vie þC4 Vio z�1=2

C2 ð1� z�1Þ þ C3

(4.8a)

Hence a bilinear integrator is realized under the condition Vio ¼ Viez
�1/2 and

C1 ¼ C4, with a transfer function given as

Voe

Vie
¼ � C1 ð1þ z�1Þ

C2 ð1� z�1Þ þ C3

(4.8b)

+
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h e e
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–

Fig. 4.6 (continued)
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Evidently, when C3 ¼ 0, a lossless integrator is realized. This means that the

circuit realizes the bilinear transformation s ! 2
T

1� z�1

1þ z�1

� �
. However, the realiza-

tion of an exact bilinear lossy integrator is not possible. The reader is urged to verify

this. Note that the output in the other phase can be shown to be

Voo

Vie
¼ � z�1 2= C4 ðC12 þC3Þ þ C1 C2

C2 ðC2 ð1� z�1Þ þ C3Þ (4.8c)

It will often be required to realize a general first-order transfer function with

output held over a clock period, which is feasible using the circuit shown in

Fig. 4.6d. The transfer function of this circuit [4.9], which uses a noninverting

and inverting SC in the feedforward path, is given by

Voe

Vie
¼ � C1 �C4 z�1

C2 ð1� z�1Þ þ C3

(4.9)

As an illustration, for realizing a first-order, digital, all-pass filter transfer

function

Voe

Vie
¼ � a� z�1

1� a z�1
(4.10)

we have

a ¼ C1

C4

¼ C2

C2 þC3

(4.11)

The gain of the all-pass filter is C4

C2 þC3
. Note that in the case C1 ¼ C4, a first-

order high-pass filter is realized.

Yet another interesting circuit shown in Fig. 4.6e is used to realize an amplifier

[4.10]. Note that other simpler circuits for realizing amplifiers are feasible (see

Fig. 4.6f). But this circuit has the problem that it cannot work at very high

frequencies since the opamp acts as a buffer in one clock phase and its output

will be at ground potential. The opamp output needs to make the transition from

signal level to ground and ground to the new input signal value. Such a problem

does not exist for the amplifier shown in Fig. 4.6e.

An SC differentiator is presented in Fig. 4.6g. This circuit realizes a transfer

function given by

Voe

Vie
¼ �C1 ð1� z�1Þ

C2

(4.12)
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Note that this circuit has the same limitation that the opamp needs to “slew” fast

from ground level to the signal value. The output exists only in the even phase.

An alternative SC differentiator [4.11] using a fully differential configuration of

the opamp is shown in Fig. 4.6h. Note that the memory of the capacitor C2 can be

destroyed by connecting capacitor C3 since the z-domain equivalent feedback will

be C2(1�z�1) + C3z
�1 ¼ C2 when C2 ¼ C3. The output is held over a clock period

for an input that also is held over a clock period.

It is possible to reduce the component count in certain SC building blocks by

multiplexing the switched capacitors. As an illustration, a damped integrator is

shown in Fig. 4.6i that uses only two capacitors. The transfer function of this circuit,

known as a direct transfer integrator [4.12, 4.13], can be derived as

Voo

Vio
¼ C1 z�1

C1 þC2ð Þ � C2 z�1
(4.13a)

Voe ¼ Voo z�1=2 (4.13b)

under the condition Vie ¼ Vio z�1=2 .

The modified circuit of Fig. 4.6j realizes a first-order all-pass transfer function

given by

Voo

Vio
¼ C1 þC3ð Þ z�1 �C3

C1 þC2ð Þ � C2 z�1
(4.14)

under the condition C2 ¼ C3.

Just in the case of active RC circuits, fully differential SC circuits are

recommended to have better performance. A typical fully differential SC integrator

corresponding to Fig. 4.6a is presented in Fig. 4.7.

Second-order SC filters are the most important building blocks and these use the

first-order blocks described in Figs. 4.5a and 4.6. We consider these in detail in

the next section.
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Fig. 4.7 A fully

differential SC integrator
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4.4 Stray-Insensitive SC Biquads

4.4.1 Fliescher–Laker SC Biquad

Perhaps the most popular SC biquad is from Fleischer and Laker [4.14], shown in

Fig. 4.8a. This circuit is based on the two-integrator loop. Note that earlier

simplified versions of this biquad were presented by other authors [4.15, 4.16].

The switched/unswitched capacitors A, B, and F form a lossy noninverting

integrator. The switched/unswitched capacitors C and D form a lossless inverting

integrator. The switched capacitor branches G, H, I, and J are feedforward

capacitors. Note that among the capacitors E and F, only one is sufficient to

provide damping. We also observe that the output can be taken at opamp 1 with

the output denoted T0 or at opamp 2 with the output denoted T. It is interesting to

note that all charge transfer takes place only in the even phase, that is, ф1.

Evidently, the outputs are held over a clock period. As a first step, we use Laker’s

equivalent circuit method to obtain the z-domain equivalent circuit shown

in Fig. 4.8b.

By writing the charge conservation equations at the virtual ground input of the

opamps in the z-domain equivalent circuit, the transfer functions T and T0 can be

found as follows.

Vo ðzÞ
Vi ðzÞ ¼ T ¼ �DI þ z�1 ðDI þ DJ � AGÞ þ ðAH � DJÞ z�2

DðBþ FÞ þ z�1 ðACþ AE� 2BD� FDÞ þ ðBD� AEÞ z�2

(4.15a)

and

V0
o ðzÞ

Vi ðzÞ ¼ T0 ¼

� GðBþ FÞ þ IðCþ EÞ þ z�1 ðGBþ HBþ FH

� CJ � IE� EJÞ þ ðEJ � HBÞ z�2

 !

DðBþ FÞ þ z�1 ðACþ AE� 2BD� FDÞ þ ðBD� AEÞ z�2

(4.15b)

Note that in these two transfer functions, one can choose E ¼ 0 or F ¼ 0. It can

be seen from the numerators of Eqs. 4.15a and 4.15b that the numerator is decided

by G, H, I, and J, the feedforward capacitors. Moreover, in the case of the T circuit,

the numerator is independent of the capacitors E, C, F, and B. The design of the

circuit can be carried out by matching Eqs. 4.15a and 4.15b with the desired

z-domain transfer function. We next illustrate the elegant design procedure

described by Laker and Fleischer [4.14].
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4.4 Stray-Insensitive SC Biquads 263



4.4.2 Design Procedure

(a) First choose A ¼ B ¼ D ¼ 1 since there are only two parameters to be realized

by the denominator: the pole-Q and pole frequency. The simplified transfer

functions are:

Vo ðzÞ
Vi ðzÞ ¼ T ¼ �I þ z�1 ðI þ J � GÞ þ ðH � JÞ z�2

ð1þ FÞ þ z�1 ðCþ E� 2� FÞ þ ð1� EÞ z�2
(4.16a)

and

V0
o ðzÞ

Vi ðzÞ ¼ T0 ¼ � Gð1þ FÞ þ IðCþ EÞ þ z�1 ðGþ H þ FH � CJ � IE� EJÞ þ ðEJ �HÞ z�2
� �

ð1þ FÞ þ z�1 ðCþ E� 2� FÞ þ ð1� EÞ z�2

(4.16b)

Thus, C and F for the F circuit (E ¼ 0) or C and E for the E circuit (F ¼ 0) can

decide the denominator. However, the scaling step described later will bring the

final A, B, and D values to the correct values.

(b) Determine the values of all the other capacitors. While doing so, it will

be advantageous to go for choices such as I ¼ 0 and avoid choices that

involve matching of capacitors, for example, J�I ¼ 0. This is often feasible

since four degrees of freedom G, H, I, and J exist whereas only three are

needed to decide the numerator.

(c) The next step is to substitute the various values of capacitors obtained in

Eqs. 4.16a and 4.16b. Then scale the various capacitances in the circuit so as

to have optimal dynamic range. This involves calculating the maxima of the

transfer functions at the T and T0 outputs and equalizing them. Interestingly,

closed-form expressions for the maxima of a second-order digital transfer

function are available (see Appendix A). Using these formulae, the maximum

of T0, in the case where T is the desired output, can be determined. The

maximum of T is known since the given specification of the filter decides this

maximum value. In a similar manner, if T0 is the desired output, maxima of both

T and T0 can be determined. We denote next m ¼ Tmax/T
0
max. Note that m can be

greater or less than 1. Our aim is to see that T0max is brought to mT0max. This is

made possible by dividing all the capacitors associated with the T0 (i.e.,

capacitors A and D) by m. In other words, they become A/m and D/m. Thus,
whenD is scaled toD/m, the output T0max has changed to m T0max. This, however,

changes the output T to mT. To keep T at the old value decided by the specifica-

tion, we need to maintain the loop gain constant. This is achieved by scaling A
to A/m. On the other hand, if we wish to scale Tmax to the desired value when

T0max is the desired output, we need to scale B, F, C, and E.
(d) At this stage, some equivalences can be used to reduce two capacitors to one, thus

saving area. Specifically if G ¼ H (or I ¼ J), instead of using two capacitors of

value G, one unswitched capacitor can be used, thereby saving the associated

switches as well. This point can be appreciated by observing the z-domain
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equivalent circuit of Fig. 4.8b. Under this condition, the branch (G�Hz�1)

becomes G(1�z�1), thus enabling the use of a single unswitched capacitor.

(e) The next step is to scale the circuit for minimum total capacitance. After the

previous step outlined in (d), the capacitor values associated with each opamp

are grouped as ABFIJ and CDEGH so all the capacitors in each group are

connected to the same virtual ground node (inverting input of the opamp).

Denoting the smallest capacitance in each group as Cu, the unit capacitor, all the

other capacitors can be expressed in terms of this smallest capacitor. This

enables computing the total capacitance in both the groups in terms of Cu.

Next, summing these total capacitances in both groups, the total capacitance

needed for the complete biquad can be obtained. The capacitor spread needed

also will be evident at this stage.

(f) The last step is to combine the switches. It can be seen from Fig. 4.8a that all the

switches connected to the node N do the same function-transferring charge to

the feedback capacitors in ф1 and getting grounded in ф2. Thus, these can be

combined to reduce the number of switches. This is important to save on the

area as well as other problems associated with the switches discussed later.

This completes the design of the SC biquad. Several options are available: (1)

output can be taken at T or T0, (2) E or F can be zero, or (3) only three amongG,H, I,
and J will be needed – therefore, computer-aided design packages are available that

can explore the full design space and give an optimal design.

4.4.3 Capacitor Spread Evaluation

It is interesting to note that since the circuit in Fig. 4.8a is based on a two-integrator

loop, the pole frequency and pole-Q sensitivities tend to be low [4.18]. However, it

is required to estimate these so that among the various design choices, the better

options can be chosen. The SC circuits are sampled-data systems, thus the sensitiv-

ity analysis needs to be carried out in the z-domain [4.17]. However, the analysis in

the s-domain will lead to practical insights since specifications are often given in the

s-domain and designers tend to use the bilinear s ! z transformation to get the

required digital transfer function. We use the inverse bilinear s ! z transformation

on the sampled-data transfer function to obtain two parameters, d and Q, where
d ¼ fs/op, with fs as the clock frequency and op corresponding to the prewarped

pole frequency. Considering a general second-order denominator of the transfer

function

DðzÞ ¼ az2 � bzþ c (4.17a)

using the relationship

s ¼ 2

T

1� z�1

1þ z�1

� �
(4.17b)
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with T ¼ 1/fs as the clock period, we have the corresponding second-order analog

transfer function as

DðsÞ ¼ s2 þ s4 f s
a� c

aþ bþ c

� �
þ 4 f 2s

a� bþ c

aþ bþ c

� �
(4.18)

Thus the two parameters d and Q can be obtained as

1

4 d2
¼ a� bþ c

aþ bþ c

� �
(4.19a)

and

1

4dQ
¼ a� c

aþ bþ c

� �
(4.19b)

It may be noted that in high pole-Q designs, the choice of equal time constants

for the integrators yields optimal dynamic range. This implies that for the

Fleischer–Laker biquad, the choice A/B ¼ C/D is appropriate. Next, without loss

of generality, we consider B ¼ D ¼ 1. Thus, from the denominator of Eq. 4.15 and

using Eq. 4.19 we have

d
Q
¼ DFþ AE

AC
(4.20a)

and

4 d2 �2 d
Q þ 1

4
¼ DB� AE

AC
(4.20b)

From Eq. 4.20, for the E and F circuits, the corresponding A and C values can be

obtained as

E circuit (F ¼ 0)

A ¼ C ¼ 2ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 þ2 d

Q þ 1
q ; E ¼

2
d
Qffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

4 d2 þ2 d
Q þ 1

q (4.21a)

F circuit (E ¼ 0)

A ¼ C ¼ 2ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 �2 d

Q þ 1
q ; F ¼

4
d
Q

4 d2 �2 d
Q þ 1

(4.21b)

It is important to note the absence of square root in the expression for F in

Eq. 4.21b. For high pole-Qs, (4.21) can be approximated as
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E circuit (F ¼ 0)

A ¼ C ¼ 2ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 þ1

p ; E ¼
2
d
Qffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

4 d2 þ1
p (4.22a)

F circuit (E ¼ 0)

A ¼ C ¼ 2ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 þ1

p ; F ¼
4
d
Q

4 d2 þ1
(4.22b)

It can be seen that A and C values needed are the same for both the E and F
circuits. However, for d>

ffiffi
3

p
2
, we see that E > F, and for d<

ffiffi
3

p
2
, we see that E < F.

4.4.4 Sensitivity Evaluation

It is relevant to examine the pole frequency and pole-Q sensitivities of both E- and
F-type SC biquads. From Eq. 4.19a and the denominator of Eqs. 4.15a, 4.15b, we

can express d as

d ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4DBþ 2DF� 2AE� AC

4AC

r
(4.23)

Thus, from Eqs. 4.20a and 4.23, the following sensitivity expressions can be

obtained in terms of d and Q.

F circuit:

SdA ¼ SdC ¼ � SdD ¼ � 1

8 d2
� 1

2
; SdB ¼ 1

8 d2
þ 1

2
� 1

4dQ
; SdF ¼ 1

4dQ
(4.24a)

S
d=Q
D ¼ S

d=Q
F ¼ � S

d=Q
A ¼ � S

d=Q
C ¼ 1 (4.24b)

E circuit:

SdA ¼ � 1

8 d2
� 1

2
� 1

4dQ
; SdC ¼ � 1

8 d2
� 1

2
; SdB ¼ SdD

¼ 1

8 d2
þ 1

2
þ 1

4dQ
; SdE ¼ � 1

4dQ
(4.24c)

S
d=Q
D ¼ 0 ¼ S

d=Q
A ; S

d=Q
E ¼ 1 ¼ � S

d=Q
C (4.24d)
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4.5 Multiplexed Single-Amplifier SC Filters

4.5.1 Parasitic Compensated SC Biquads

The Fleischer–Laker biquad of Fig. 4.8a needs two opamps. It may be noted that

both opamps in this biquad update the capacitors B and D in the even phase. In the

odd phase there is no charge transfer and hence the opamps are idle. Interestingly,

this fact can be used to multiplex the opamp in both phases, thus enabling the

realization of the single-amplifier SC biquad seen in Fig. 4.9b [4.19, 4.20]. The

z-domain equivalent circuit of Fig. 4.8b can be redrawn by changing the branch

�Az�1 to �Az�1/2 and to compensate this, the branch C + E(1 � z�1) becomes

Cz�1/2 + E(z�1/2 � z�3/2), as shown in Fig. 4.9a. This branch is realized as Pz�1/2

� Qz�3/2 where P ¼ C + E and Q ¼ E to simplify the hardware. In addition, the

input branch (G � Hz�1) also needs to be changed to (Gz�1/2 � Hz�3/2). This new

z-domain equivalent circuit needs to be realized next.

The realization of the z�1/2 term is possible using the fundamental parallel

switched capacitor of Fig. 4.1a. But this circuit suffers from the parasitic capaci-

tance of the top plate of the capacitor C1. Thus, it is first required to obtain switched

capacitors that are not affected by parasitic capacitances and realize the various DQ
(z) � V(z) relationships of the form Ciz

�1/2, Ciz
�1, and Ciz

�3/2. Interestingly, these

can be realized in a parasitic-compensatedmanner. This means that under matching

conditions of capacitor values and identical layout of the circuit branches, the

nonideal parasitics do not affect the performance to a first order.

The realization of the branch Pz�1/2 is possible by first charging the series

network of capacitors 2P and 2P + CP1 + CP2 to the input voltage in the even

phase (see Fig. 4.9b) so that across 2P + CP1 + CP2 we have a voltage
2P

4Pþ CP1 þCP2
in the even phase. In the odd phase, the charge on the capacitor

2P + CP2 given as
2Pð2Pþ CP2Þ
4Pþ CP1 þCP2

z�1=2 is available for integration by the

feedback circuit. Under the matching condition CP1 ¼ CP2, we have the incremen-

tal charge voltage relationship given by
2Pð2Pþ CP2Þ
4Pþ CP1 þCP2

z�1=2 ¼ P z�1=2 . In a

similar manner, the branch realizing Hz�3/2 transfers a charge given by

4Hð4H þ CP2Þð4H þ CP3Þ
ð8H þ CP1 þCP2Þð8H þ CP2 þCP3Þ z

�3=2 ¼ H z�3=2 under the matching condi-

tion CP1 ¼ CP2 ¼ CP3. Note, however, that it is required to discharge the

middle capacitor 4H using an additional clock phase ф3 as shown in Fig. 4.9b

and in the timing diagram in Fig. 4.9c. In a similar manner, �Jz�1 also can be

realized as shown. The remaining branches can be easily understood. It may

be noted that the capacitors B and D have two switches [4.13] even though

theoretically one switch to isolate the capacitor will do. This will help in reducing

the clock feedthrough.
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It may also be noted that during the interval between ф1 and ф2 (even and odd

phases of the clock), the opamp feedback loop is open and hence the opamp tends to

slew from its earlier output to ground thereby reducing the settling time to the new

input. This can be avoided by a technique known as “XY feedback” which uses two

dummy capacitors and two switches as shown in Fig. 4.9d. Note that the junction of

capacitors X and Y is grounded during both phases, thus not affecting the charge

transfer. On the other hand, during the interval between ф1 and ф2, the capacitors X
and Y close the feedback loop and their charge is not going to affect the circuit

operation. Other techniques involve no additional components but rely on the require-

ment that the interval between the nonoverlapping clock phases shall be less than the

time required for the opamp’s output to slew a small amount (e.g., a fraction of a volt).

This, in turn, virtually eliminates the possibility of op-amp saturation during the

nonoverlap period, at no extra cost to the SC multiplexed circuit.

The combination of C and E to one capacitor P will affect the sensitivity. The

reader is urged to study the sensitivity of the pole-frequency and pole-Q to

capacitors P and Q.

4.5.2 Multiplexed Single Opamp High-Order SC Filters

Roberts et al. [4.21] have described a technique for multiplexing an opamp to

realize a high-order filter. This structure is stray-insensitive. For realizing an Nth
order filter, this structure needs (2N + 1) clock phases and several switched

capacitors. The block diagram and SC implementation of this structure are

presented in Fig. 4.10a, b. The circuit uses a fully differential amplifier and hence

the sign of the coefficients needed in filter realization, which may be positive or

negative, can be easily realized. The z�1 blocks are realized by inverting switched-

capacitor branches whereas the integrator function is realized by capacitors in the

feedback path of opamps and switches. The block diagram can be best described by

the well-known state–space description:

z� 1ð ÞX ¼ AX þ Bu (4.25a)

Y ¼ cTX þ du (4.25b)

where X is the vector of state variables xi.
Equation 4.25a updates the state variables xi based on the input ui and all the

state variables xi whereas (4.25b) is used to obtain the desired output yi. The factor
1/(z � 1) is realized by an integrator with transfer function z�1/(1 � z�1).

The circuit has three stages of operation. In the computation stage, the N phases

’1, ’2, . . ., ’N are used to compute the present state xi(k) for i ¼ 1 to N using the

weighted past state xj(k � 1) for j ¼ 1, . . ., N and the input u(k � 1). The ith state
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Fig. 4.10 (a) Functional representation of multiplexed filter, and (b) actual circuit of the

multiplexed SC filter (Adapted from [4.21] # IEEE 1987)



computed is stored back on the feedback capacitor Ci. of the opamp. The past states

are available on capacitors Caij for j ¼1, . . ., N and Cbi.

In the updating stage, the N phases jN+1, jN+2, . . ., j2N are used to copy the

updated states on the appropriate switched-capacitors Cai and Ccj. Note that the

inputs are sampled in the (N + 1)th phase and stored on the capacitors Cbi and Cd.

In the (2N + 1)th phase, the output y(k) is computed by summing the weighted

present states and input according to (4.25b). Note that in Fig. 4.10b only one half is

shown. It may be seen that the capacitor ratios in Fig. 4.10b are related to the

various a, b, c, and d values in (4.25) as follows.

Caij

Ci
¼ aij;

Cbi

Ci
¼ bi;

Cci

CNþ1

¼ ci;
Cd

CNþ1

¼ d (4.26)

Note, however, that state–space filter design techniques need to be used translating

the desired specifications into a realization as described by (4.25a, 4.25b).

4.6 Improved SC Biquads

4.6.1 Multiplexing of Capacitors

Several improvements have been suggested for the Fleischer–Laker biquad with a

view to reducing the component spread or total area at the expense of sensitivity in

some cases. Fischer and Moschytz [4.22] have suggested multiplexing the capacitor

A to function as the capacitor F as well as capacitor A in the Fleischer–Laker

biquad. In addition, one more inverting damping switched capacitor P is connected

across the integrating capacitor B. The resulting transfer function of this circuit

shown in Fig. 4.11 can be derived as

Voe

Vie
¼ � AG z�1

DðBþ AÞ � z�1 ð2DBþ PDþ AD� ACÞ þ z�2 DðBþ PÞ (4.27)

It can be shown from the denominator of (4.27) and (4.19a, 4.19b) that

d
Qp

¼ DðA� PÞ
AC

(4.28a)

and

4 d2 �2 d
Qp

þ 1

4
¼ m ¼ ðBþ PÞD

AC
(4.28b)

Due to the difference term (A � P) in (4.28a), the Q-sensitivity will be high.

Denoting P ¼ kA, and choosing B ¼ D ¼ 1, from (4.28) we obtain
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C ¼ Qp ð1� kÞ
d

(4.29a)

and

A ¼ d
mQp ð1� kÞ � kd

(4.29b)

As an illustration, for d ¼ 2 and Qp ¼ 10, for k ¼ 0, we have C ¼ 5 and

A ¼ 4/83 yielding a capacitor spread of 103.75 whereas with k ¼ 0.5, we have

C ¼ 2.5 and A ¼ 8/79 yielding a capacitor spread of only 24.68. Note, however,

that since the capacitor A is linked with the second integrator, scaling for optimal

dynamic range cannot be done if one desires the actual output at T.

4.6.2 Split-Integrating Capacitor Technique

Huang and Sansen [4.23] have suggested techniques for reducing the capacitor

spread by a split-integrating capacitor technique. This circuit is presented in

Fig. 4.12. When D2 ¼ 0, it is same as the Fleischer–Laker biquad. However, by

introducing D2, the transfer function of the resulting SC filter can be derived as

Ф1

Ф2

Ф1 P

Ф2

Ф1

Ф1 Ф2

Ф1

–

+

–

+
Vi

Vo

G

D

B

A

C

Ф2

Ф2

Ф1 Ф2

Fig. 4.11 Fischer and Moschytz SC biquad using positive feedback (Adapted from [4.22]

# IEEE 1982)
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Voe

Vie
¼� AL

ðD1þD2ÞB
z�1 ð1� z�1Þ

1� z�1 2� AC

D1 B
� AE

ðD1þD2ÞB
� �

þ z�2 1� AE

ðD1þD2ÞB
� �

(4.30)

under the condition Vio ¼ Viez
�1/2. Note that in the ф1 phase (which was an idle

phase), there is a charge distribution of the integrating capacitor D1 using L and D2.

The resulting design equations are as follows.

d
Qp

¼ ED1

C D1 þD2ð Þ (4.31a)

and

4 d2 þ2 d
Qp

þ 1

4
¼ BD1

AC
(4.31b)

For the equal time constant design, assuming B ¼ D1 ¼ 1, we need A ¼ C
yielding the following relationships.

A ¼ C ¼ 2ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 þ2 d

Qp
þ 1

q (4.32a)

D1

Vo

D2

Φ2

Φ2
Φ2

Φ2

Φ2

Φ1

Φ1
Φ1 Φ1

Φ1

–

+

–

+

Vi

L

B

A

C

E

Fig. 4.12 Huang and Sansen biquad using split integrating capacitor (Adapted from [4.23]

# IEEE 1987)
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E

1þ D2

¼ 2d=Qpffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4 d2 þ2 d

Qp
þ 1

q � 1

Qp

(4.32b)

Choosing E ¼ 1, the spread of D2 can be seen to be Qp � 1. This may be

compared with the E-type biquad, for which E ¼ 1/Qp. Thus instead of E being

1/Qp, in this case E shall be unity and D2 shall be of the order of Qp.

Huang [4.24] has suggested another method of reducing the capacitance spread

which is useful in an F-type biquad. The inverting integrator can be realized as

shown in Fig. 4.13a. Note that in the ф1 phase, capacitors D1, a, and G function
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Fig. 4.13 (a) An inverting integrator with low capacitor spread, (b) noninverting integrator

with low capacitance spread, and (c) Fleischer–Laker biquad based on (b) (Adapted from [4.24]

# IEEE 1989)
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as an amplifier. During the ф2 phase, only the charge contained on capacitor a is

integrated on capacitor D2. Thus, effectively, the transfer function realized is

Voo

Vie
¼ � Ga

ðD1 þaÞD2

z�1=2

1� z�1

� �
(4.33)

Thus otherwise large capacitor ratio G/D is realized as the product of two

capacitor ratios thus reducing the spread. It may be noted that the output of the

opamp is not the same in both phases.

A noninverting integrator can be obtained by a simple modification of this circuit

as shown in Fig. 4.13b.

A Fleischer–Laker E-type biquad using this technique is presented in Fig. 4.13c.
The resulting transfer function can be obtained as

Voe

Vie
¼ �K

B

1� z�1 2� AG

D2 K

� �
þ z�2

1� z�1 2� AC

D2 B
� aAE
D1 D2 B

� �
þ z�2 1� aAE

D1 D2 B

� � (4.34)

under the condition Vio ¼ Viez
�1/2. The design equations for this circuit are:

d
Qp

¼ aE
CD1

;
4 d2 þ2 d

Qp
þ 1

4
¼ BD2

AC
(4.35)

Note that the ratio which was originally E/C is now realized as a product of two

capacitor ratios, thus effectively reducing the spread. Alternatively, it may be

considered that E is replaced by Ea/D1.

4.6.3 Nagaraj’s SC Filters with Low Capacitor Spread

Much simpler circuits needing only three capacitors to realize the large spread

proposed by Nagaraj [4.25] are shown in Fig. 4.14. Note that in the inverting

integrator of Fig. 4.14a, in Phase 1, the capacitors C2 and C3 work as an attenuator

of gain C3/C2. In the next phase, the charge is withdrawn by the capacitor C3 and at

the same time, charge redistribution takes place between C1 and C2. The transfer

function of this circuit is given by

Voo

Vie
¼ � C1 C3

C2 ðC1 þC2Þ
z�1=2

1� z�1
(4.36)

Thus, the product of two ratios now will form one ratio thus reducing the spread.

Note that C2 is typically a large capacitor and C1 and C3 are small. The circuit can

be modified to realize a noninverting integrator as shown in Fig. 4.14b, whose

transfer function is the same as (4.36) except for a sign inversion.
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The transfer function of the lossy inverting integrator (noninverting integrator

using the switching phases shown in brackets with nonnegative sign) shown in

Fig. 4.14c is given by

Voo

Vie
¼ � C1 C3 z�1=2

ðC2 þC1ÞðC2 þC4Þ � C2 ðC1 þC2 þC4Þ z�1
(4.37a)

The dc gain of the integrator is C3/C4. The realized pole-frequency is

approximately

f p ¼
f s
2p

C1 C4

C1 C2 þC2 C4 þC2
2

� �
(4.37b)

An analysis of the effect of opamp offset voltage on the circuit of Fig. 4.14a

yields the transfer function as

Voe¼�Vie
C1 C3 z

�1=2

C2 ðC1þC2Þð1�z�1Þ

þVoffe z
�1=2 C1 ðC2þC3ÞþVoffo ðC2 ðC1þC2þC3Þ�z�1 ðC2þC3ÞðC1þC2ÞÞ

C2 ðC1þC2Þð1�z�1Þ
(4.38)
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+

+
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Voo
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c dφ1(2)

Φ1(2)

φ2(1)
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+
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CI
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Fig. 4.14 Nagaraj’s technique for capacitor spread reduction: (a) lossless inverting integrator,

(b) lossless noninverting integrator, (c) inverting/noninverting lossy integrator, and (d) offset

compensated version of (b) (Adapted from [4.25] # IEEE 1989)
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Note that the second term in the transfer function of Voffe is (C2/C3) times the

integrator transfer function. For SC integrators with large time constants, since C3 is

very small, the output offset voltage will be invariably high. Hence, offset compen-

sation needs to be applied.

An improved integrator to meet this requirement is shown in Fig. 4.14d

corresponding to an inverting/noninverting integrator. Note that this circuit needs

a three-phase clock and also one extra capacitor CI whose value is not critical.

During Phase ф1, the offset voltage is sampled on capacitor CI and during the input

signal integration during Phases ф2 and ф3, this is used to cancel the offset voltage.

Note that the finite gain error as well as 1/f noise are also cancelled. The reader is

urged to confirm that the offset voltage of the opamp is not enhanced as in the

previous case.

The effect of finite opamp gain on the integrator of Fig. 4.14a can be seen from

the following transfer function as

Voe

Vie
¼� C1C3

C2þðC2þC3Þ
A

� � z�1=2

C1þC2ð Þ 1�z�1ð Þþ C1þC2þC3ð Þ
A

�z�1 C2þC3

A

� �� �
(4.39)

The reader may confirm that the effect of finite opamp gain is also reduced using

the circuit of Fig. 4.14d.

4.6.4 T-Cell Integrator-Based Biquads

The value of the input feeding capacitor in a SC integrator becomes very small for

realizing large time constants. An interesting technique suggested was to use a T of

capacitors in place of the input feeding capacitor [4.26] as shown in Fig. 4.15. The

transfer function of this circuit can be obtained as

Voe

Vie
¼ � C3 C1

ðC3 þC1 þC4ÞC2

1

1� z�1

� �
(4.40)

It can be seen that the time constant of the integrator is now decided by the

product of two ratios C1/C2 and C3/(C1 + C3 + C4). Note that the charge

–

+

1

1

2
2 2 2

Vi
Vo

C3 C1

C2

C4

Fig. 4.15 T-cell integrator

for realizing large time

constants (Adapted from

[4.26] # IEEE 1984)
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accumulated at the internal node needs to be removed by connecting the middle

node to ground in every clock cycle. The disadvantage of the large time constant

circuits is that the offset voltage of the opamp is amplified since the input feeding

capacitance is low, as has been mentioned before. The transfer function including

the offset voltage is given as

Voe ¼� Vie
C3 C1

ðC3 þC1 þC4ÞC2

1

1� z�1

� �

þ Voffe
C3 C1

ðC3 þC1 þC4ÞC2

1

1� z�1ð Þ
C3 þC4

C3

� �
þ Voffe (4.41)

An analysis of a simple integrator with the opamp offset denoted as Voffe and

Voffo in the even and odd phases (see Fig. 4.3b) using Laker’s equivalent circuit will

show that the transfer function is given as

Voe ¼ �Vie
C1

C2

1

1� z�1
þ Voffe 1þ C1

C2

1

1� z�1

� �
(4.42)

under the condition Vie ¼ Vioz
�1/2. Thus, the offset voltage also is integrated

similarly to the input voltage and the offset voltage also appears directly at the

output of the opamp. Several techniques to compensate this offset voltage have

been described in the literature and are considered in detail in a later section.

4.7 Optimal Design of SC Biquads

Much work has been done on the optimum design of the SC biquads. Design

procedures different from that described by Fleischer and Laker have been

advanced by other authors. The problem considered is to achieve minimum total

capacitance. In the realization of a second-order low-pass transfer function as

in (4.43), for instance, the design requirements (also called constraints) are only

three: pole-frequency, pole-Q, and dc gain. An additional constraint is that the

maxima of both outputs of the opamps shall be equal.

DðzÞ ¼ � z�1 AG

DBþ z�1 ðACþ AE� 2BDÞ þ ðBD� AEÞ z�2
(4.43)

A look at (4.43) shows that there are six degrees of freedom (capacitor values)

whereas only four constraints are existing. Hence, the problem is to find a solution

that reduces total capacitance by making effective use of the other degrees

of freedom available. Ki and Temes [4.27] suggest that the fourth constraint of

equal dynamic range can be approximated for high-Q designs using approximate

formulae without resorting to computer simulation to find the maxima. We note

from (4.43) that
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AE

AC
¼ d

Qp

(4.44a)

AC

BD
¼ 4

4 d2 þ2 d
Qp

þ 1
ffi 1

d2
(4.44b)

and the dc gain

M ¼ G

C
(4.44c)

Note that a band-pass transfer function is realized at the T 0 output:

T 0 ¼ �GBð1� z�1Þ
DBþ z�1 ðACþ AE� 2BDÞ þ ðBD� AEÞ z�2

(4.45)

The maximum of (4.45) can be found in terms of the capacitor ratios and equated

to the maximum of (4.43) to obtain

GB

AE
¼ MQp ¼ Qp

G

C
or Qp ¼

BC

AE
(4.46)

Note that M ¼ G
C ¼ 1

Qp
can be chosen to make the peak of low-pass transfer

function as unity. From (4.44a) and (4.46), we have d ¼ B
A : and next from (4.44b),

we have d ¼ D
C :

Thuswe canobtainC ¼ QpG,E ¼ dG,B ¼ dA, andD ¼ GdQ.Next, the smallest

capacitor amongC, E,D, andG can be seen to beG. Note also that A and B are related

by d. Thus the total capacitance considering G ¼ 1 and A ¼ 1 can be estimated as

CT ¼ Qp ð1þ dÞ þ 2dþ 2 (4.47)

It is relevant to look again at the design procedure outlined earlier due to Fleischer

and Laker in which A ¼ B ¼ D ¼ 1 was chosen first to arrive at C and E values.

Then G is identified based on the gain requirement. Next scaling will convert A and

D to A/m andD/m. Thus the final values are A/m, B ¼ 1,D/m,C, E, andG. Proceeding
in the same manner as before, the capacitor values given in Table 4.1 can be

obtained. Writing the denominator of the transfer function as

DðzÞ ¼ 1� ð2� a� bÞ z�1 þð1� bÞ z�2 (4.48)

it may be observed that in the Flesicher–Laker design, a is realized as the single

capacitor C and b is realized as the single capacitor E and scaling does not

affect these values. Note also that the spread accordingly will be d2 or dQp. On

the other hand, noting from (4.43) the fact that a and b are products of two

capacitor ratios, they can be efficiently realized as the product of two smaller

ratios. This has been pointed out by other authors as well. Note that the equal
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time constant design described earlier to evaluate the capacitor spread (see

(4.20a) and (4.20b)) considers A ¼ C ¼ 1 and B ¼ D. Thus directly, B (¼ D)
and E can be estimated first and then G can be evaluated to meet the dc gain

requirement. This case also is presented in Table 4.1 for completeness. Note

that for all designs, total capacitance can be obtained by summing all the

capacitance values C, D, E, and G in one group and A and B in another

group. First, these need to be scaled based on minimum capacitance in the

two groups and then total capacitance can be estimated. As an illustration, for

d ¼ 1 and Qp ¼ 10, the total capacitance is 24Cu for all designs whereas

for d ¼ 2 and Qp ¼ 10, the total capacitance is 36Cu. Ki and Temes [4.27]

considered all generally desired digital transfer functions and listed the maxima;

these can be used to optimize the capacitance assignment. Nevertheless, this

approach is good for high-Q designs and low pole-Q designs still need exact

computation of the maxima to facilitate scaling.

The disadvantage of the previously desired approaches is that only certain

topologies such as the Fleischer–Laker biquad [4.14] or Fischer–Moschytz biquad

[4.22] and the like were considered separately whereas in general many more may

exist. There was no systematic exploration. Secondly, analytical approaches are

manual and thus may not be efficient. The accuracy also is limited in analytical

approach since low-Qp cases cannot be considered. Furthermore, the problems of

reducing the number of capacitors, sensitivity, and noise are not considered.

Tang [4.28] has recently considered in a systematic manner, the capacitance

assignment problem as an optimization problem using MINLP (mixed integer

nonlinearly constrained programming). This method is less analytical but more

numerical in nature. They also use several constraints: (a) equality constraint
meaning matching of coefficients of the symbolic transfer function with the

desired transfer function having numerical values; (b) OS (optimum swing)
constraint (what we have called earlier realization of optimal dynamic range);

(c) choice of a general versatile topology shown in Fig. 4.16 and (d) using

a cost function based on pole-Q sensitivity, number of capacitors, and total

capacitance. The pole-Q sensitivity due to all components is considered whereas

Table 4.1 Comparison of various types of capacitance assignment

Capacitance Fleischer–Laker Ki–Temes Equal time constants

C 1 d2
	

Qp 1

D 1 d2
	

Qpd D

E 1 ðdQp

	 Þ d d Qp

	
G 1 ðd2 Qp

	 Þ 1 1 Qp

	
A 1 d= 1 1

B 1 d D
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pole-frequency sensitivity is not considered. The reader is referred to Tang [4.28]

for more information.

Example 4.1 Using WINSPICE, perform the frequency-domain analysis of the

Flesicher–Laker SC biquad using Laker’s equivalent circuits. This is based on

Nelin’s [4.156] pioneering work. The treatment follows that of Allen and Holberg

[4.155]. Laker’s equivalent circuits need realization of admittances of the form

Cz�1/2. These are realized in WINSPICE using delay lines that can have a delay of

T/2 where T is the clock period using statements such as X23PC1 2 3 23 DELAY.

The subcircuit DELAY has a VCVS to produce a voltage amplified by gain 1 at

terminal 3 of the voltage between input terminals 1 and 2 with a delay of Tm s. Then

this voltage is converted into a floating current source between the same terminals 1

and 2 using the statement G23 2 3 23 0 2.4924694.

The capacitors and resistors are realized as capacitors and resistors.

We have considered a SC filter with all capacitors G, H, I, J, E, and F being used

so that the reader can change the program accordingly. The resistor values are

reciprocals of capacitor values. Note also that 1/(C + E) is used since in Laker’s

equivalent circuit the capacitor is the sum of C and E.

Vi

C6

C8

C7

C12

C3

C2

C14

C13

C1

C17

C15

C18

C5

C16

C4

C10

C9

C11

CA
CB–

+
–

+

T′

T

Fig. 4.16 General stray-insensitive SC biquad (Adapted from [4.28] # IEEE 2008)
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The SC filter with T output is an F-type SC bilinear bandpass filter with a center

frequency of 1,633 Hz, sampling frequency 8 KHz, Q of 16, and midband gain 10 dB.

The capacitor values are E ¼ J ¼ 0, I ¼ G ¼ H ¼ 0.1320836, F ¼ 0.083541,

C ¼ 1.4924694, A ¼ B ¼ D ¼ 1. This example is taken from [4.14]. Evidently,

T/2 ¼ 62.5 m s. Opamps of gain 100, 000 have been used. The z-domain transfer

function can be obtained using standard design procedure as

HðzÞ ¼ 0:1219ð1� z�2Þ
1� 0:5455 z�1 þ 0:9229 z�2

* SC Biquad Fliescher Laker

Vin 1 0 ac 1

R1G 1 2 7.570962

*R1G 1 2 1/G

R2H 0 2 7.570962

*R2H 0 2 1/H

R3D 2 4 1

*R3D 2 4 1/D

R4D 3 5 1

*R4D 3 5 D

R5CE 2 8 0.67003048

*R5CE 2 8 1/(C+E)

*R6C 3 9 1/E

R7AJ 0 6 1

*R7AJ 0 6 1/(A+J)

R9BF 6 8 0.92290

*R9BF 6 8 1/(B+F)

R10B 7 9 1

*R10B 7 9 1/B

R11I 1 6 7.570962

*R11I 1 6 1/I

X23PC1 2 3 23 DELAY

*X23PC1 2 3 23 DELAY D+C

G23 2 3 23 0 2.4924694

*G23 2 3 23 0 D+C

X67PC1 6 7 67 DELAY

*X67PC1 6 7 67 DELAY B

G67 6 7 67 0 1

*G67 6 7 67 0 B

X12NC1 1 2 12 DELAY

*X12NC1 1 2 12 DELAY

G12 2 1 12 0 0.1320836

* G12 2 1 12 0 H

X20PC1 2 0 20 DELAY

*X20PC1 2 0 20 DELAY H
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G20 2 0 20 0 0.1320836

*G20 2 0 20 0 H

X34NC1 3 4 34 DELAY

*X34NC1 3 4 34 DELAY

G34 4 3 34 0 1

*G34 4 3 34 0 D

X25NC1 2 5 25 DELAY

*X25NC1 2 5 25 DELAY

G25 5 2 25 0 1

*G25 5 2 25 0 D

X29NC1 2 9 29 DELAY

*X29NC1 2 9 29 DELAY

*G29 9 2 29 0 E

X38NC1 3 8 38 DELAY

*X38NC1 3 8 38 DELAY

*G38 8 3 38 0 E

X56NC1 5 6 56 DELAY

*X56NC1 5 6 56 DELAY

G56 6 5 56 0 1

*G38 8 3 38 0 E

X06PC1 6 0 60 DELAY

*X06PC1 6 0 60 DELAY

G06 6 0 60 0 1

*G06 6 0 60 0 A+J

X78NC1 7 8 78 DELAY

*X78NC1 7 8 78 DELAY B

G78 8 7 78 0 1

*G78 8 7 78 0 B

X69NC1 6 9 69 DELAY

*X69NC1 6 9 69 DELAY B

G69 9 6 69 0 1

*G69 9 6 69 0 B

X16NC1 1 6 16 DELAY

*X16NC1 1 6 16 DELAY J

*G16 6 1 16 0 J

E1ODD 0 4 2 0 1E6

E1EVEN 0 5 3 0 1E6

E2ODD 0 8 6 0 1E6

E2EVEN 0 9 7 0 1E6

*****************

.SUBCKT DELAY 1 2 3

ED 4 0 1 2 1

TD 4 0 3 0 ZO¼1K TD¼62.5u

RDO 3 0 1K

.ENDS DELAY

**********************

.AC LIN 99 10 4000
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Example 4.2 In the earlier example, the input was fed directly. In practice, the

input needs to be sampled and held. A circuit for this purpose adapted from [4.156]

is shown in Fig. E.4.2. and the corresponding WINSPICE code is presented. The

frequency response shows the sin(oT/2)/(oT/2) response of a zero-order hold. Note

that a zero-order hold has a response given by
1� e�sT

sT
. The full delay of 125 ms is

realized as a cascade of two delay elements of 62.5 ms.
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* SC Sample and Hold

VIN 1 0 ac 1v

*VIN 1 0 sin (0 1 30000 0 0)

R1 1 4 10K

R2 3 4 -10K

X1 1 0 2 DELAY

X2 2 0 3 DELAY

E1 5 0 4 0 -100000000

C1 4 5 1N

*****************

.SUBCKT DELAY 1 2 3

ED 4 0 1 2 1

TD 4 0 3 0 ZO¼1K TD¼62.5u

RDO 3 0 1K

.ENDS DELAY

**********************

.AC LIN 99 1 24K

Example 4.3 Observe the transient response of the SC amplifier using MOS

transistors as switches using WINSPICE. Note that in order to discharge the

feedback capacitor, a switch SMOD is used. A MOS transistor can be used but it

distorts the signal unless a special design is carried out.

Fig. E.4.2 (Adapted from

[4.156] # IEEE 1983)

286 4 Switched Capacitor Filters



*SC amplifier transient response to sinewave input

v1 6 0 dc 2.5

VIN1 1 0 sin (0 0.25 30000 0 0)

M1 1 3 2 2 NMOS1 W ¼ 1U L ¼ 1U AD ¼ 18P AS ¼ 18P PD ¼ 18U PS ¼ 18U

M2 2 5 4 4 NMOS1 W ¼ 1U L ¼ 1U AD ¼ 18P AS ¼ 18P PD ¼ 18U PS ¼ 18U

*M5 7 3 4 4 NMOS1 W ¼ 1U L ¼ 1U AD ¼ 18P AS ¼ 18P PD ¼ 18U PS ¼ 18U

S1 4 7 10 0 SMOD

C1 2 0 30.0P

C2 4 7 3.0P

E1 7 0 4 0 -1000

v2 8 0 -2.5

.MODEL SMOD VSWITCH(RON¼1K ROFF¼10E9 VON¼+2.5 VOFF¼-2.5)

Vclock1 3 0 dc PULSE (-2.5 2.5 0 0 0 1u 4u)

vclock2 5 0 dc PULSE (-2.5 2.5 2u 0 0 1u 4u)

Vclock3 10 0 dc PULSE (-2.5 2.5 0 0 0 1u 4u)

.tran 10ns 100u

.MODEL NMOS1 NMOS VTO ¼ 0.70 KP ¼ 110U GAMMA ¼ 0.4 LAMBDA ¼
0.04 PHI ¼0.7 MJ ¼ 0.5 MJSW ¼ 0.38 CGBO ¼ 700P CGSO ¼ 220P CGDO ¼
220P CJ ¼ 770U CJSW ¼ 380P LD ¼ 0.016U TOX ¼ 14N

.MODEL PMOS1 PMOS VTO ¼ -0.70 KP ¼ 50U GAMMA ¼ 0.57 LAMBDA ¼
0.05 PHI ¼ 0.8 MJ ¼ 0.5 MJSW ¼ 0.35 CGBO ¼ 700P CGSO ¼ 220P CGDO ¼
220P CJ ¼ 560U CJSW ¼ 350P LD ¼ 0.014U TOX ¼ 14N

.END

4.8 SC Ladder Filters Based on Component Simulation

and Operational Simulation

SC ladder filters based on doubly terminated LC networks can be easily derived.

As has been seen in the case of active RC and OTA-C filters, the ladder filters could

be based on component simulation or operational simulation. In the component
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simulation technique, floating and grounded inductances and termination resistances

based on SC technique will be needed. These, however, invariably are affected by

parasitic capacitances at the intermediate nodes. Hence, stray-insensitive SC filters

need to be realized using operational simulation. However, interestingly, some of the

concepts used in realizing operational simulation type SC filters have been adapted

from the component simulation technique and in fact, have been used in the realiza-

tion of OTA-C filters. Hence, we briefly consider the component simulation tech-

nique and then discuss more elaborately the operational simulation technique.

4.8.1 SC Realization of L, C, and R Elements

The components such as inductance, capacitance, and resistance are defined by the

I(s) � V(s) relationship in the s-domain. On the other hand, in SC networks only

incremental charges flow. Hence we need to derive incremental charge-to-voltage

(DQ(z) � V(z)) relationships for the three components so that SC versions can be

built [4.29, 4.30, 4.31, 4.32].

Consider an inductance L as an illustration for which we have

VðsÞ ¼ ðsLÞIðsÞ (4.49a)

We know that i ¼ dq

dt
. Thus, by taking the Laplace transform on both sides,

IðsÞ ¼ sQðsÞ (4.49b)

From (4.49a) and (4.49b) we have

VðsÞ ¼ ðs2 LÞQðsÞ (4.49c)

It is known that there are several s ! z transformations for mapping from the

s-domain to the z-domain. Using the bilinear transformation (BT), we have from

(4.49c)

VðzÞ ¼ 4L

T2

1� z�1ð Þ2
1þ z�1ð Þ2 QðzÞ (4.50)

Since incremental charge is related to charge using the relationship

DQðzÞ ¼ ð1� z�1ÞQðzÞ (4.51)

for an inductor, we obtain from (4.50) and (4.51),

DQðzÞ ¼ VðzÞ T
2

4L

1þ z�1ð Þ2
1� z�1ð Þ (4.52a)
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On the other hand, the use of LDI transformation s ! 1� z�1

T z�1=2
in (4.49c) yields

DQðzÞ ¼ VðzÞ T
2

L

z�1

1� z�1ð Þ (4.52b)

It is interesting to note that (4.52a) can be rewritten as

DQðzÞ ¼ VðzÞ T
2

4L

1þ z�1ð Þ2
1� z�1ð Þ ¼ VðzÞ T

2

4L

1� z�1ð Þ2 þ4 z�1

1� z�1ð Þ

¼ VðzÞ T
2 ð1� z�1Þ

4L
þ VðzÞ T2 z�1

Lð1� z�1Þ (4.53)

showing that a bilinear transformation-type inductor can be realized as a LDI type

inductor (second term in (4.53)) in parallel with a capacitance of value T2/(4 L) (the
first term as shown shortly). In a similar manner, for a resistance, the corresponding

incremental charge–voltage relationships corresponding to BT and LDI trans-

formations can be derived as

BT : DQðzÞ ¼ VðzÞ T

2R
ð1þ z�1Þ (4.54a)

LDI : DQðzÞ ¼ VðzÞ T z�1=2

R
(4.54b)

Note that LDI-type resistance is not realizable due to the simple reason that

charge can flow instantaneously into the circuit across the capacitor or after one full

clock cycle delay. Thus, three types of DQ(z) � V(z) relationships can exist, given

by (4.54a), and the following two given as

DQðzÞ ¼ VðzÞ T z�1

R
(4.55a)

DQðzÞ ¼ VðzÞ T
R

(4.55b)

Similarly, for a capacitor C, the corresponding incremental charge–voltage

relationships corresponding to BT and LDI transformations can be found interest-

ingly to be the same:

DQðzÞ ¼ VðzÞCð1� z�1Þ (4.56)

It is thus clear that SC branches that can realize these DQ(z) � V(z) relationships
are required to simulate the various components so that they can be interconnected

to form the complete SC circuit. Note also that in the above discussion, charge flows

only in one phase into the terminals of the device.
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The SC network of Fig. 4.17a realizes an LDI-type of inductance [4.29]. Note

that the input voltage is buffered using buffer-connected opamps A1 and A2 and

sampled by the SC C1 in the even phase. The charge on C1 is integrated using a

differential integrator formed by OA A3 and capacitor C2. The output of the

–    +

e

+    –

–   ++   –

+   –

C3

b

a

C3

VA

VA

A1 A2

A3

C4

C4

VB

VB

C1

C1

C2

C2

Fig. 4.17 (a) SC floating inductance simulation circuit, and (b) circuit used for realizing general

termination resistance ((a) Adapted from [4.30] # IEEE 1981 (b) Adapted from [4.31] # IEE

1983)
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integrator is C1

C2

z�1=2

1� z�1ð Þ ðVA �VBÞ. This voltage is converted into a charge using

capacitors C3 and C4 and made to flow into the terminals A and B (i.e., by

discharging the capacitors C3 and C4 using the buffer-connected opamps A1 and

A2) to realize a LDI-type floating inductor (see (4.52b)). The charge flowing into the

input terminal VA can be seen to be

DQðzÞ ¼ C1 C3

C2

z�1

1� z�1ð Þ ðVA �VBÞ (4.57)

Shunting this floating inductor by a capacitance T2/(4L) yields a floating bilinear
transformation type inductance.

For realizing ladder filters, the termination resistances need to be realized using

switched-capacitors. The termination resistances have one terminal connected to

source or ground and another to other components in the ladder filter. The three types

of terminations that are needed can be realized using the circuit of Fig. 4.17b [4.31].

Note that this circuit is obtained from the floating inductance realization of

Fig. 4.17a by first removing the buffer A1 and associated capacitor C3 and switches

at terminal A and changing the integrator to an amplifier. The effective incremental

charge flowing in the circuit of Fig. 4.17b can be written as

DQðzÞ ¼ C1 þC2 C4

C3

z�1

� �
VA �VBð Þ (4.58)

Thus, by appropriate choice of capacitors (a) C1 ¼ 0, (b) C2 ¼ 0, (c) C2 ¼ C3

and C4 ¼ C1, the three desired types of terminations can be realized.

4.8.2 SC Low-Pass and Band-Pass Filters Derived
Using Operational Simulation of LC Ladder Filters

Consider the third-order elliptic low-pass filter of Fig. 4.18a [4.33, 4.34, 4.35]. The

equations describing the operation of the circuit at nodes V1 and Vo can be first

written as follows.

Vi �V1

Rs
þ Vo �V1ð Þ 1

s L2
þ s C2

� �
� V1 s C1 ¼ 0 (4.59a)

V1 �Voð Þ 1

s L2
þ s C2

� �
� Vo s C3 �Vo

RL
¼ 0 (4.59b)

Substituting the bilinear s ! z transformation namely s ¼ 2

T

1� z�1

1þ z�1

� �
in

(4.59a, 4.59b) and multiplying throughout by
Tð1þ z�1Þ

2
, we obtain
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Vi �V1ð ÞTð1þ z�1Þ
2Rs

þ Vo �V1ð Þ T2

4L2

ð1þ z�1Þ2
ð1� z�1Þ þ ð1� z�1ÞC2

 !

� V1 ð1� z�1ÞC1 ¼ 0 (4.60a)

V1 �Voð Þ T2

4L2

ð1þ z�1Þ2
ð1� z�1Þ þ ð1� z�1ÞC2

 !

� Vo ð1� z�1ÞC3 �Vo
Tð1þ z�1Þ

2RL
¼ 0 (4.60b)

This equation should be rewritten such that SC blocks can realize the various

terms in a stray-insensitive manner. The term
T2

4L2

ð1þ z�1Þ2
ð1� z�1Þ can be rewritten as

T2

4L2
ð1� z�1Þ þ 4 z�1

ð1� z�1Þ
� �

. Similarly, the first term
Vi �V1ð ÞTð1þ z�1Þ

2Rs
can be

rewritten as Vi �V1ð Þ T

Rs
� Tð1� z�1Þ

2Rs

� �
.

Thus from (4.60a, 4.60b), we have after regrouping terms connected with �V1,
Vo and Vo � V1 and Vi as

Vi
T

Rs
� Tð1� z�1Þ

2Rs

� �
þ Vo C2 þ T2

4L2

� �
ð1� z�1Þ

� V1 ð1� z�1Þ C1 þC2 þ T2

4L2
� T

2Rs

� �
� V1

T

Rs
þ Vo �V1ð Þ T

2

L2

z�1

ð1� z�1Þ ¼ 0

(4.61a)

� V1 C2 þ T2

4L2

� �
ð1� z�1Þ þ Vo ð1� z�1Þ C3 þC2 þ T2

4L2
� T

2RL

� �

þ Vo
T

RL
þ Vo �V1ð Þ T

2

L2

z�1

ð1� z�1Þ ¼ 0 (4.61b)

It can be seen that the terms a(1 � z�1) correspond to an unswitched capacitor

of value a and frequency-independent terms correspond to SC resistors, whereas

the term Vo �V1ð Þ T2

4L2

z�1

ð1� z�1Þ can be realized using a stray-insensitive differen-
tial integrator. This term can be shared in implementing both (4.61a) and (4.61b) as

well. The complete SC filter thus obtained is as shown in Fig. 4.18c. Note that the

source resistance implementation needs an inverting amplifier of unity gain as

shown to realize � Tð1� z�1Þ
2Rs

. Note also that �V1 is realized at the output of an

opamp as is also seen in the case of active RC filters based on operational
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simulation. The cross-coupling capacitors will be needed for low-pass all-pole

realization also (i.e., the case with C2 ¼ 0) of value
T2

4L2
. The same procedure

can be applied to high-order filters as well. Note that Co can be a unit capacitance.

The application to band-pass filters is straightforward. Consider the prototype of

Fig. 4.18b and the SC filter of Fig. 4.18d derived therefrom. In this case since L2 and
L3 are different, the equations to be realized are different:

Vi

RS V1

C1

a C2

C3 RL

Vo

L2

– +

– +

– + T/RL

−−

-V1

b

T/RS

T/RS

T/2RS–1

Co

Co

Co

Cb

Vo

Co

Ca

Vi

T 2
L2

T 2

4L2

C2+ T 2

4L2

C2+

T 2

4L2

T 2

4L2

T
2RL

T
2RS

Ca=C1+C2+ ,Cb=C2+C3+

Vi

RS V1

C1

c C2

C3

RL

Vo

L2

L1 L3

2
Co 

Fig. 4.18 (a) Prototype third-order low-pass elliptic ladder filter, (b) SC circuit based on (a), (c)

prototype of bandpass filter obtained from (a) using LP to BP transformation, and (d) SC filter

derived from (c) (b Adapted from [4.35] # IEEE 1981)
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Vi
T

Rs
� Tð1� z�1Þ

2Rs

� �
þ Vo C2 þ T2

4L2

� �
ð1� z�1Þ � V1 ð1� z�1Þ

C1 þC2 þ T2

4L1
þ T2

4L2
� T

2Rs

� �
� V1

T

Rs
þ T2

L2

z�1

ð1� z�1Þ Vo �V1 1þ L2
L1

� �� �
¼ 0

(4.62a)

and

� V1 C2 þ T2

4L2

� �
ð1� z�1Þ þ Vo ð1� z�1Þ C2 þC3 þ T2

4L2
þ T2

4L3
� T

2RL

� �

þ Vo
T

RL
þ T2

L2

z�1

ð1� z�1Þ Vo 1þ L2
L3

� �
� V1

� �
¼ 0

(4.62b)

Due to the unequal last terms in (4.62a) and (4.62b), two different opamp-based

circuits will be needed to realize (4.62a) and (4.62b) as shown in the SC implemen-

tation shown in Fig. 4.18d.

Example 4.4 Plot the frequency response of the bilinear third-order elliptic low-pass

SC filter of Fig. 4.18b using opamps with gain 100. Note that we have simulated here

the simplified z-domain equivalent circuit considering the sampled and held input.

This reduces the size of the code as the number of elements are very few in the

equivalent circuit as compared to those using the complete balanced lattice

d

T 2

4L 2

C2+

T 2

4L 1

T 2

4L 2

T 2

4L 3

T 2

4L 2

T
2R L

T
2R S

T 2

4L 2

C2+

– +

T/RS

T/RS Ca

T/2RS–1

Co

Ca=C1+C2+ ,Cb=C2+C3+ −+−+

Vi

-V1

– +Cb
T/RL

Vo

– +

Co

Co

Co

T 2 T 2

C 2
oL 2C 2

oL 2

- +
L 2

L 1

Co 1+ ⎟⎟⎠

⎞
⎜⎝

⎛

L 2

L 3

Co 1+ ⎟⎟⎠

⎞
⎜⎝

⎛

Fig. 4.18 (continued)
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equivalent of Laker. The design specifications are clock frequency/pass-band edge

ratio of 9.25, 0.28 dB ripple and a pass-band to stop-band edge ratio of 2. The values

of components of Fig. 4.18a are RS ¼ RL ¼ 1, C1 ¼ 1.20301, C2 ¼ 0.201627,

C3 ¼ 1.20301, L2 ¼ 0.962438. After prewarping using the formula oc ¼ 2

T
tan

oD T

2
, prewarped values considering T ¼ 1 s are RS ¼ RL ¼ 1, C1 ¼ 1.1564,

C2 ¼ 0.193814, C3 ¼ 1.1564, L2 ¼ 0.9251446. Using these values in (4.61), the

various capacitor values can be obtained, which are used in the simulation.

*Third -order ellptic filter

Vin 1 0 ac 1

R12 1 2 2

R23 2 3 0.4716024

R42 2 4 1

R47 4 7 1

R67 7 6 0.4716024

R62 6 2 2.1549866

R37 3 7 2.1549866

R45 4 5 1.0809116

X12PC1 1 2 12 DELAY

G12 1 2 12 0 0.5

X32NC1 2 3 32 DELAY

G32 3 2 32 0 1.12043

X45NC1 4 5 45 DELAY

G45 5 4 45 0 0.925145

X62NC1 6 2 62 DELAY

G62 2 6 62 0 0.46404

X67NC1 6 7 67 DELAY

G67 7 6 67 0 1.12043

X37NC1 3 7 37 DELAY

G37 7 3 37 0 0.46404

X35NC1 3 5 35 DELAY

G35 5 3 35 0 1

X56NC1 5 6 56 DELAY

G56 6 5 56 0 1

E1 3 0 2 0 -1E2

E2 6 0 7 0 -1E2

E3 4 0 5 0 -1E2

*****************

.SUBCKT DELAY 1 2 3

ED 4 0 1 2 1

TD 4 0 3 0 ZO¼1K TD¼125u

RDO 3 0 1K

.ENDS DELAY

**********************
.AC LIN 99 10 12000
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4.8.3 SC High-Pass Filters Derived Using Operational
Simulation of LC Ladder Filters

The realization of SC high-pass filters based on the RLC prototype (see, e.g.,

Fig. 4.19a for a third-order filter) using the bilinear transformation technique

described above is not feasible [4.35]. The reason is that the corresponding to

the source resistance, the DQ(z) � V(z) relationship will have a term of the type

kð1þ z�1Þand this creates an anomalous situation. At fs/2, the input to the high-pass
filter is cut off since the (1 + z�1) term becomes zero. As such, Lee et al. [4.35]

suggest the use of scaling (dividing) all the impedances in the prototype by s. After
scaling, as an illustration, the s-domain nodal equation can be obtained as

s Vi �V1ð Þ
Rs

þ V2 �V1ð Þ 1

L2
þ s2 C2

� �
¼ V1

L1
(4.63a)

Substituting for s the bilinear s ! z transformation, s ¼ 2

T

1� z�1

1þ z�1

� �
and

multiplying throughout by (1 + z�1), and using the identity
1� z�1ð Þ2
1þ z�1ð Þ C2 ¼ C2

1þ z�1ð Þ � 4 z�1

1þ z�1ð Þ C2 , we have
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Vi
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V1

a
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Ca Cc1
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Cc
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1 1 1
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1

1
1

1
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2

2

22

2

2

2

Fig. 4.19 (a) A prototype third-order high-pass filter, (b) SC implementation of (a) (Adapted from

[4.35] # IEEE 1981)
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Vi
2 1� z�1ð Þ

TRs
�V1 1� z�1

� � 2

TRs
þ 1

L1
þ 1

L2
þ 4C2

T2

� �
þ 2 z�1 1

L1
þ 1

L2
þ 4C2

T2

� �� �

þV2

1

L2
þ 4C2

T2

� �
1� z�1
� �þ 2 z�1 1

L2
þ 4C2

T2

� �� �
� V2�V1ð Þ 16C2 z

�1

T2 ð1þ z�1Þ ¼ 0

(4.63b)

Note that parasitic-sensitive branches are needed for realizing the z�1 terms as

well, since 1
1þz�1 ¼ 1

ð1�z�1Þþ2 z�1 as shown in Fig. 4.19b. The various capacitor values

are as follows.

Ca ¼ 2

TRs
þ 1

L1
þ 1

L2
þ 4C2

T2
;Cs ¼ 2

TRs
;Ca1 ¼ 2ðCa �CSÞ;

Cd ¼ Cd1

2
¼ 1

L2
þ 4C2

T2
;Cc1 ¼ 2Cc;

Co1 Co3

Cc
¼ 16C2

T2
(4.64a)

In a similar manner, the equation at node V2 gives the other capacitor values as

Cb ¼ 1

RL
þ 1

L2
þ 1

L3
þ C2;CL ¼ 1

RL
;Cb1 ¼ 2ðCb �CLÞ;Ce ¼ Ce1

2

¼ 1

L3
þ C2 : (4.64b)

4.9 High-Frequency SC Filters

High-frequency filters based on the LC technique cannot achieve the out-of-band

attenuation of about �80 dB needed in certain applications. These are generally not

integrable on CMOSVLSI chips and hence are used external to the chip. On the other

hand, CT (continuous-time) filters realize a large corner frequency variation of�5%

to �10% due to process variation and matching. Hence, SC filters are attractive for

these high-frequency applications. Several opamp architectures are known in the

literature to which the reader is referred to excellent books. However, among

the various opamp topologies, five types can be distinguished: single-stage folded-

cascode opamp, single-stage telescopic opamps, two-stage telescopic opamps, cur-

rent mirror OTA, OTA based on complementary differential pairs, and three-path

OTA as shown in Fig. 4.20(a)–(f). The reader is referred to Moon [4.36] and Adut

et al. [4.157] for an exhaustive discussion on the choice of opamp topology.

The clock frequency naturally is large for high-frequency SC filters, therefore

the stringent requirements on the folded cascode opamp of Fig. 4.20a arise. The

bandwidth of the opamp has to be high, meaning that large Gm needs to be used

thereby leading to large power dissipation. Due to the large Gm, the opamp input

capacitance also tends to be large. Moreover, multiple branches of Bias current are
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needed increasing the power dissipation. Due to the large input capacitance, for

high-frequency filters, and due to the high fc/fs ratio, the feedback factor around the
opamp gets reduced when small unit capacitance is used.

On the other hand, the telescopic opamp of Fig. 4.20b needs less power since of

the reduced number of current branches but a large input capacitance still exists.

Moreover, due to the high common-mode voltage, complementary transmission

a

M4 M4

M1

M3

M2

M1

M3

M2

2ITail

4ITail

VCMF VCMFB

VBP VBP

VBN VBN

Vin+ Vin+

Vout- Vout+

b

Vin+

M5

M2

M4

ITail

VBIAS

VBP

VCMFB

Vout+

M3VBN

M5

M2

M4

M3

VBP

VBN

VCMFB

Vout−

ITail

M M
Vin-

2ITail

Fig. 4.20 OTA architectures for high-frequency SC filters: (a) telescopic architectures, (b)

folded-cascode topology, (c) two-stage OTA, (d) current-mirror folded cascode OTA, (e) OTA

based on complementary differential pairs, and (f) a three-path OTA ((c) Adapted from [4.36]

# IEEE 2000, (a), (b), (d)–(f) Adapted from [4.157] # IEEE 2006)
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gate switches need to be used. Next, if the two-stage opamp of Fig. 4.20c is used,

the power consumption will be of the second stage since it needs to drive the

capacitor load. A very small capacitance will be needed at the output of the first

stage for frequency compensation. Moon [4.36] has recommended this architecture

in view of its low noise, low dissipation first stage, and good high-frequency

response by dominant pole compensation.

M6

d
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M4

VBIAS

VBN

Vin+ Vin-Vout

VBP

VCMFB

VBN

Vout
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M1 M1

2NITail/(1+N) 2NITail/(1+N)
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c
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Fig. 4.20 (continued)
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Next, we consider the current-mirror cascode OTA shown in Fig. 4.20d which

may settle faster than the folded cascode since of its enhanced slew rate and smaller

input capacitance. If N > 1, a large portion of the overall dc current used will be

transferred to the load.

A complementary folded-cascode OTA is presented in Fig. 4.20e in which two

differential pairs are used to exploit both cascode transistors. The two feedforward

M4

M1N

M1P M1P

M6

M5
e

M

VBP

VBP

Vout+ Vout+
Vin+ Vin-

VBN VBN
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Fig. 4.20 (continued)
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signal paths create a zero which compensates for the phase degradation due to the

two nondominant poles. A greater fraction of the dc current is available for the load

in this topology. The noise level is slightly higher than the folded-cascode

topology.

Finally, the 3-path OTA is shown in Fig. 4.20f which comprises three OTAs.

A folded-cascode OTA is implemented by M1, M2, and M3 and a current mirror

cascode is realized using M1, M2, M3, and M6. A current mirror folded-cascode

OTA is realized using M1, M4, M6, and M7. A major portion of the dc current is

available as the OTA output current.

4.9.1 SC Filters Using Double Sampling Scheme

High-frequency filters can use the double-sampling scheme (DSS) so that in both

phases, the filtering function can be realized. This effectively means that the

sampling frequency is doubled. A buffer using double sampling [4.36] is illustrated

in Fig. 4.21a. Note that the input is sampled in both phases by two separate feed-in

branches and delivered to the output in the other phase. Note that during the interval

between the clock phases, the possibility of opamp output glitching out of range can

be avoided by using a small capacitor between the output and inverting input of the

opamp.

Note that the above circuit has to settle in each clock phase to give the correct

output. The settling time requirements can be relaxed at the expense of additional

hardware using fully duplicated hardware. An example of an integrator [4.37, 4.38]

using double sampling scheme (DSS) but which has full clock cycle time to

stabilize is shown in Fig. 4.21b. Moreover, finite gain compensation can be

achieved due to the presence of a free clock phase. Such compensation is not

possible in the circuit of Fig. 4.21a.

The capacitors CB1 and CB2 are called battery capacitors which compensate for

the opamp finite gain error during integration. The capacitors CM1 and CM2 are

memory capacitors on which the previous samples are stored. Note that CI is the

integrating capacitor. The top opamp operates on the input Vi(nT) and produces

the output Vo(nT) in Phase 1. On the other hand, the bottom opamp operates

on the input Vi((n + 1)T) and produces the output Vo((n + 1)T) in Phase 2. In

Phase 2, the top opamp does the finite gain compensation using the output sample

stored on CM1 and in Phase 1, the bottom opamp does the finite gain compensation

using the output sample stored on CM2.

An E-type biquad based on this concept is presented in Fig. 4.21c to realize

a 10.7 MHz IF bandpass filter with a Q of 27 that could successfully work with a

clock frequency of 42.8 MHz. The buffer stage is used to enable driving a large

capacitive load. The capacitive load was needed to be large in order to meet the low

noise requirement.
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Fig. 4.21 (a) Double sampling scheme-based SC buffer stage, (b) SC integrator using DSS with

compensation for opamp finite gain, and (c) E-type biquad using (b) ((a) Adapted from [4.36] #
IEEE2000 and (b),(c) Adapted from [4.38] # 1997)



4.9.2 SC Filters Based on POG (Precise Opamp Gain)

The performance of SC filters depends on the sampling frequency and in the case

of high sampling frequencies, the gain available from the OTA may not be high

[4.39, 4.40, 4.41]. Hence designers have investigated the possibility of designing

SC filters using opamps with precise but fixed gain. This technique is known as

POG (precise opamp gain). This is briefly considered in this section.

Consider the SC lossy integrator of Fig. 4.22a using an opamp of gain Ao. The

transfer function can be easily derived as

Vo

Vi
¼ � C0

1

C0
2 þC0

3 þ C0
1 þC0

2 þC0
3

Ao

� �
� C0

2 1þ 1
Ao

� �
z�1

(4.65a)

Considering the ideal desired transfer function as

Vo

Vi
¼ � C1

C2 þC3ð Þ � C2 z�1
(4.65b)

from (4.65a) and (4.65b), the following relationships can be obtained.

C0
1 ¼ C1; C2 ¼ C0

2 1þ 1
Ao

� �
; C3 ¼ C0

3 þ C0
1 þC0

3

Ao
(4.66a)

or alternatively as

C0
1 ¼ C1; C0

2 ¼ C2

1þ 1
Ao

� � ; C0
3 ¼

C3 � C0
1

Ao

1þ 1
Ao

(4.66b)

This effectively amounts to predistortion. The expected value of the fixed gain A
may vary slightly from to A(1 + e) where e is the error. The resulting pole of the

first-order low-pass filter due to this variation can be estimated from (4.65a) by

substituting these values and approximating
1

1þ e
¼ 1� e as

p0 ¼ C2p 1þ 1�e
A

� �
C2p þC3p � C1

A þ C1 ð1� eÞ 1
A þ 1

A2

� �
þ C2p þC3p � C1

A

� �
1�e
A

� � (4.67a)

which can be approximated as

p0 ¼ C2p

C2p þC3p

� �
1þ e

1þ A

� �
C1p

C2p þC3p

� �� �
(4.67b)
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Thus, the error e can be seen to be divided by A. In other words, if we use an

amplifier of gain A ¼ 100 with an error e of 1%, the error looks as though we have

used an amplifier of gain 10,000.

It needs to be seen next how to realize a precise gain opamp. It is difficult to control

the gain of a CMOS amplifier without a gain control loop. The schematic of such a

gain control loop [4.41] is shown in Fig. 4.22b. A replica opamp exactly similar to the

actual opamp used in the filter is required. A dc voltage reference VRefR1/(R1 þ R2)

is obtained using a potential divider comprising resistors 2R1 and two resistors

Main filter

–

+

+

–

+ 

–

+ 

–

Chopper Chopper

Vin

R2

ϕ1

ϕ1

ϕ1

ϕ1

ϕ2

ϕ2

ϕ2

ϕ2R2

2R1 C1

C2

Cf

VREF/2

-VREF/2

Vout

Vgc

b

C1

C3

C2
Vi

Vi

11

–

+

1 1

2 2

a

2 2

Fig. 4.22 (a) A lossy SC integrator using a finite gain opamp, and (b) gain control loop for SC

filters using POG technique (Adapted from [4.41] # IEEE 2000)
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of value R2. This voltage is applied to the open-loop opamp of desired gain A whose

output voltage evidently is AVRefR1/(R1 þ R2). The difference

C2 VREF �C1 AVREF R1

R1 þR2

� �
is estimated by a stray-insensitive SC integrator formed

by capacitors C1, C2, and Cf to yield the control voltage Vgc. This control voltage

varies the gain of the replica amplifier to make the difference zero thus yielding

A ¼ C2

C1

� �
R1 þR2

R1

� �
(4.68)

The opamp shall be designed to have a high dc gain. The architecture of

Fig. 4.22b uses resistive as well as capacitive dividers to reduce the spread. The

SC filter uses a low-frequency clock. For example, using C2/C1 ¼ 9 and R2/R1 ¼ 9,

a gain of 80 can be realized. The offset of the replica opamp may be avoided by

using the chopper configuration as shown. The gain control loop settles in a few

milliseconds with 0.1% accuracy. The typical clock frequencies for the SC filter,

gain control loop, and chopper are, respectively, 100 MHz, 100 KHz, and 50 KHz.

4.9.3 SC N-Path Filters

An alternative method of designing narrow-band SC filters is based on a technique

known as N-path filtering [4.42]. This technique is considered in detail in this

section. By virtue of the sampling theorem, SC filters using a sampling frequency of

fs can process signals in the frequency range fs/2 denoted as the Nyquist Range.
Increasing the Nyquist Range effectively means that the number of samples in one

sample period 1/fs need to be increased. This is possible by having one filter in each
path in a N-path system with each path using a sampling frequency of fs and then

combining the outputs of all these paths as shown in Fig. 4.23a for N ¼ 4. Note that

all the paths having identical filter responses are cyclically sampling at the same

frequency fs. The output signal is composed of N samples per period Tc ¼ 1/fs.
The effective sampling frequency of an N-path filter is Nfs and hence the Nyquist

range is Nfs/2. The overall frequency response of the N-path filter is the same as the

frequency response of the individual path for all switch positions i. Considering
the use of a low-pass filter in each path of cutoff frequency fo, the result is that the
spectrum of the base-band LPF repeats at kfs as shown in Fig. 4.23b. Thus,

effectively, a comblike band-pass response is created. The bandwidth of the

band-pass response is 2fo thus effectively realizing a Q for the band-pass filter of

kfs/2fo. for the band-pass response centered at kfs.
Note that any one of the band-pass responses centered around fs, 2fs, 3fs, and so

on can be selected using a postfilter (a band-pass filter centered at that frequency).

The advantage gained in this approach is that due to the higher sampling frequency,

the antialiasing filter will be very simple.
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Some simple circuits will be useful [4.43] for selecting only the response

centered around fs and rejecting the response at dc and at all even multiples of fs.
One such z-domain transfer function is

HðzÞ ¼ ð1� z�1=2Þ (4.69)

The SC low-pass filter response is shown in Fig. 4.24a. This transfer function

(4.69) has a response as shown in Fig. 4.24b thus yielding the overall band-pass

response as shown in Fig. 4.24c.

It is further important to note that the unwanted mirror frequencies appear at the

output due to the path mismatch at various multiples of fs, for example, 2fs � fo,
2fs + fo. These may exist in the pass-band of the filter and hence care has to be taken

to match the various paths. In addition due to the parasitic drain-gate and gate-

source capacitances of the switches used, there will be a clock feedthrough signal at

the output that not only produces an offset voltage but also produces additional

spectral components at multiples of the clock frequency. These will reduce the

dynamic range of the SC filter.

If the path filter is a high-pass filter, then the spectrum will have a band-pass

response at multiples of fs/2. Interestingly, in this case, the clock feedthrough does

not exist in the pass-band.

The significant advantage of N-path filter is that the center frequency does not

depend on capacitor ratios. Moreover, high-Q band-pass filters can be realized

using low-Q blocks. Thus the sensitivity to component tolerances can be controlled

easily.Moreover, since the center frequency of the band-pass filter depends only on the

sampling frequency or its multiple, component tolerances of the filter will not come

into the picture. Only the mid-band gain and Q are dependent on the capacitor ratios.

a

Vin Vout

Path Filter 1

Path Filter 2

Path Filter 3

Path Filter 4

b

Nyquist Range

0 fs 2fs 3fs

2fo2fo2fofo

Fig. 4.23 (a) N-Path filter structure using a low-pass filter in each path, and (b) its frequency

response
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4.9.3.1 Single-Path Frequency Translated SC Systems

As a generalization of the N-path filter, Franca and Haigh have suggested the use of
single-path frequency translated SC systems [4.44]. These are based on the fact that

all sampled-data filters have band-pass frequency response at multiples of clock

frequency and any one of the band-pass responses can be chosen by inserting an

appropriate antialiasing filter (AAF) and anti-imaging filter (AIF) as shown in the

architecture of Fig. 4.25a. They have suggested the use of two constants m and n
defined as m ¼ fs/fo and n defined as the band centered at nfs þ fo or nfs � fo.
Evidently, the realized Q of the band-pass filters is Q ¼ kQ1 where k ¼ mn � 1

and Q1 ¼ fo/Bandwidth of the SC bandpass filter. Thus there is Q enhancement.

The advantage is that from a relatively low-Q prototype band-pass filter, a very

high-Q band-pass filter can be obtained. This can be seen by noting that the

bandwidth of the band-pass response remains the same whereas the center frequency

changes depending on m and n.
Evidently, a variety of choices for m and n is possible. The choice of the upper or

lower sideband (nfs � fo) or (nfs + fo) depends on the selectivity of the antialiasing
filter needed. If m > 1, the frequency translated bands are close to odd multiples of

fs/2, thus needing a steeper cutoff for the AAF at the upper transition band. Similarly,

ifm ¼ 2, the lower transition band will need higher selectivity. On the other hand, if

m ¼ 4, a symmetric AAF will be needed. Due to the sample and held nature of the

signals at the output of the SC band-pass filter, there will be slowly decreasing

gain as n increases. This needs to be corrected by the anti-imaging band-pass filter.

Often, a decimator may precede the SC filter (see Fig. 4.25b) so as to ease the

prefiltering requirement of the continuous-time antialiasing filter. Decimators are

a fo 2fo 2fo 2fo

3fsfs0 2fs

c

3fsfs0 2fs

b

3fsfs0 2fs

Fig. 4.24 Frequency

response of (a) SC low-pass

filter, (b) frequency-sampling

filter, and (c) combined

low-pass and frequency

sampling filter
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used to reduce the sampling rate. As an illustration, if a SC filter works at a

sampling frequency of 100 KHz, a decimation by 10 implies that the sampling

rate of the input of the decimator is 1 MHz. Thus, the antialiasing filter in this case

needs to attenuate to the desired extent the aliasing frequency corresponding to

the higher sampling rate. Thus, in place of complex continuous-time filters, a

simple first- or second-order antialiasing filter will serve the purpose. In a similar

manner, the AIF also can have a counterpart interpolation filter (see Fig. 4.25c)

which increases the sampling rate at the output to 1 MHz thus enabling the use of a

simple smoothing filter. The interpolation and decimation filters can be single-stage

designs based on FIR filters or a combination of IIR and FIR filters. The reader is

referred to [4.44] for details on possible designs.

A typical N-path filter structure using a passive path filter is shown in Fig. 4.26b
based on the path filter shown in Fig. 4.26a. Note that the path transfer function is

given by

HðzÞ ¼ C1 z
�1

ðC1 þC2Þ�C2 z
�1

(4.70a)

a

AAF SCF AIFinput output 

fs

c

SC filter
SC

Interpolator
Continuous-
time filter

input output

Mfs Mfs fs fs
AIF

b

SC
Decimator

AIFinput
Continuous-
time  filter

output

Mfs
Mfs

fs
AAF

Fig. 4.25 (a) A SPFT SC filter system architecture, (b) antialiasing filter with a SC decimation

filter, and (c) anti-imaging filter with interpolation filter (Adapted from [4.44] # IEEE 1988)
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The overall transfer function of the four-path filter needing a four-phase clock is

given by

HðzÞ ¼ C1 z
�4

ðC1 þC2Þ�C2 z
�4

(4.70b)

Note that (4.70b) can be obtained by using z ! zN transformation [4.45] from

(4.70a). Note that the output is available in each phase and hence is available all the

time. Effectively, the sampling frequency is increased fourfold. It is important to

note that there may be a mismatch between capacitor values in the various paths,

which leads to generation of additional mirror frequency components in addition to

the desired output signal.
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a
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1 4

Fig. 4.26 (a) A low-pass path filter, (b) four-path filter based on (a)
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4.9.3.2 Z to ZN Transformation

It is relevant to mention that z ! zN transformation creates several pass-bands at

ifs/N (i ¼ 0, 1, 2, . . ., (N � 1)) where fs is the sampling frequency. In the case of an

integrator transfer function HðzÞ ¼ 1
1�z�1 , it is mapped into an Nth-order band-pass

filter of transfer function HðzÞ ¼ 1
1�z�N . This can be seen from the fact that zN

¼ ejoTN ¼ ej2pk for f ¼ k f s
N . Thus, the center frequency of the bandpass response is

at fs/N, 2fs/N, 3fs/N and so on.

Similarly, using the transformation z ! �zN, an integrator transfer function is

mapped into an Nth-order band-pass filter [4.46]. In this case, it may be observed

that

� zN ¼ � ejoNT ¼ ejðoNTþpÞ ¼ � ejNT oþ p
NTð Þ (4.71)

meaning that the low-pass response is shifted by p
NT along the frequency axis.

In this case, several pass-bands at ifs/(2N) (i ¼ 1, 3, 5, . . .) where fs is the

sampling frequency are created. The advantage of the latter is that the passband is

free from clock feedthrough noise.

For N ¼ 2, an HP N-path filter is possible, whereas for N � 3 only an LP N-path
filter is realizable. The reason is that for N ¼ 2, in the LP case, the desired passband

will be centered at fs/2 and hence the signal in the upper half will alias into the lower
half and vice versa.

4.9.3.3 Pseudo N-Path Filters

In order to avoid the mismatch related problems, an alternative solution known as

the pseudo N-path filter has been suggested in the literature [4.47]. In this method,

only one path exists but each memory processing element in the path is sequentially

connected to a circulating delay line that discharges and recharges the various

elements such that the overall circuit still appears to have N paths. The circuit of

course becomes complicated. Two architectures based on a circulating delay line

and RAM (random access memory) are described in the literature [4.48]. These are

considered next.

Pseudo N-Path Filters Based on Circulating Delay Line

The SC N-path filter based on the single-path lossless integrator is shown in

Fig. 4.27a which uses a circulating delay line. The basic N-path filter must be

able to integrate the injected charge with a stored charge that held N sample periods

before. The three-path filter derived from Fig. 4.27a is shown in Fig. 4.27b which

needs a four-phase clock as shown in Fig. 4.27c. Note that the capacitor C is used

for the integration whereas the capacitors C1, C2, and C3 are used to form the delay
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line. The operation of the circuit is as follows. In Phase 1, the input capacitor Co and

the memory capacitor C3 update the charge on feedback capacitor C. In Phase 2, the
charge on capacitor C2 is shifted to C3 using the opamp. In a similar manner in

Phases 3 and 4, the charge on C1 is successively transferred to C2, the charge

updated in Phase 1 on C is transferred to C1, and Co is discharged. The above cycle

is repeated. In other words, in four clock cycles the charge on C is moved to C3.
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Fig. 4.27 (a) Stray-insensitive inverting integrator, (b) SC pseudo-three-path integrator based on

(a), and (c) timing waveforms (b,c Adapted from [4.48] # IEEE 1982)
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The values of C, C1, C2, and C3 do not matter since all the charge available on one

capacitor is transferred to the other using the opamp. The transfer function is only

determined by Co and C. In four cycles, the charge on C1 has moved one step

forward. Thus the charge on C3 corresponds to an input fed to Co reached after

12 cycles. Evidently, an output sample is available in (N þ 1) th, the clock Phase.

The lowest clock feedthrough frequency (since output is taken only in phase 1) is

1/T0 which is far away from the pass-band. (Note that the pass-band is centered

round fo ¼ 1/T). Note that this type of N-Path filter has only one circulating loop

and all the charge packets follow the same path in the circuit. The pass-band thus

will be free from clock feedthrough noise.

The transfer function realized is

HðzÞ ¼ � Co =C

1� z�3
(4.72a)

Noninverting operation can be obtained easily by interchanging the clock phases

at the right-hand side of the capacitor Co in Fig. 4.27b. The transfer function then

becomes

HðzÞ ¼ Co =C

1� z�3
(4.72b)

Pseudo N-Path Filters Based on RAM

An alternative pseudo N-path filter structure has the advantage that the number of

clock steps required can be reduced to 8 instead of the 12 needed in the circulating

delay line technique described earlier. This three-path integrator circuit is shown in

Fig. 4.28a. The operation of the circuit is as follows. In Phase 1 (synchronous with

Phase 3), the input charge fed through Co together with the charge stored on C1, is

transferred to the capacitor C. In Phase 4 (synchronous with Phase 2), the updated

charge on C is transferred back to C1. Similarly, in the next Phase 1 (synchronous

2 with Phase 5), the charge on C2 is integrated together with the input charge on Co,

and the resulting charge on C is transferred back to C2 in Phase 6 (synchronous with

Phase 2). In the next step the process repeats for C3. It can be observed that each

capacitor C1, C2, or C3 stores charge for three intervals of T
0 since each is updated in

Phase 1 and when Phase 3 or 5 or 7 occurs. Evidently, the RAM-based design needs

eight clock signals as against four in the circulating delay line-type SC N-path filter.
Evidently, an output sample is available in every second clock phase. Moreover, it is

not immune to the clock feedthrough noise in the center of the passband, since

charge packets belonging to different paths are stored on different capacitors. Note

that N circulating loops exist in this type of N-path filter. Thus asymmetries in clock

signals and switch dimensions are not automatically balanced out.
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It is possible to combine both techniques, using circulating delay line and RAM,

as well to obtain hybrid pseudo N-path filters. These need, however, one extra

opamp but use two phases only as in the case of RAM-based designs considered

earlier. The operation of this circuit [4.49] shown in Fig. 4.29 is as follows. In Phase

1 (i.e., Phase 3), the charge from input on C3 is transferred to C. Simultaneously, the

charge on C4 is transferred to C1. In Phase 2, synchronous with Phase 4, the charge

on C is transferred to C4. Simultaneously, the charge on C2 is transferred to C3.

During the next Phase 1 synchronous with Phase 5, in a similar manner as before, the

charge onC4 is transferred toC2 . In Phase 2 synchronous with Phase 6, the charge on

C1 is transferred to C3. Thus there are two charge circulations C ! C4 ! C1 !
C3 ! C and C ! C4 ! C2 ! C3 ! C. There are two delay lines comprising

(C4, C1, C3) and (C4, C2, C3). Note that their values do not affect the performance.
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Fig. 4.28 (a) A RAM-type pseudo N-path filter, and (b) timing waveforms (Adapted from [4.48]
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It can be seen from the timing waveform that the number of clock phases is more

than that of circulating delay line type pseudo N-path filters but the clock

feedthrough now occurs at fc/2 and fc and not at the pass-band centered at fc /3.

Application to Ladder Filters

The integrators in high-order SC filters derived from prototype RLC ladder filters

can be substituted by the pseudo N-path integrators to obtain very narrow band and

low-sensitivity band-pass filters. As an illustration, the technique for realizing an

elliptic band-pass N-path filter [4.48] using a circulating delay line based on a low-

pass elliptic filter of Fig. 4.30a is presented in Fig. 4.30b. Note that the resistor

simulating switched capacitors remain as they are whereas the integrating

capacitors are replaced by the blocks containing N + 1 switched capacitors as

shown in Fig. 4.30b. The important point to note is that the coupling capacitors

needed in the realization of elliptic filters need not be replaced by the N-path
branches by a simple observation that the circuits of Fig. 4.30c, d are identical.
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Fig. 4.30 (a) A third-order low-pass elliptic filter prototype, (b) SC bilinear N-path ladder filter,

(c) capacitive coupling needed for realizing elliptic filters, and (d) equivalent of (c) to simplify the

circuit of the N-path filter (Adapted from [4.48] # IEEE 1982)
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Thus a switched-capacitor can take the place of the coupling capacitor. Note that by

replacing the branches A, B, and C in Fig. 4.30b with capacitors, a bilinear SC low-

pass filter can be identified.

A stray-insensitive SC N-path filter can be obtained from the high-pass filter of

Fig. 4.19b. This uses z to z�N transformation. The inversion is realized using a fully

differential topology. It may be recalled that the circuit of Fig. 4.19b is not stray-

insensitive due to capacitors Ca1, Cb1, Cc1, Cd1, and Ce1. A stray-insensitive

realization can be obtained [4.46], which is amenable for realizing a N-path filter

based on RAM. This is seen by rewriting (4.63b) as

Vi
1� z�1ð Þ
Rs

�V1 1� z�1
� � 1

Rs
þ 1

L1
þ 1

L2
þC2

� �
þ 2z�1 1

L1
þ 1

L2
þC2

� �� �

þV2

1

L2
þC2

� �
1� z�1
� �þ 2 z�1 1

L2
þC2

� �� �
� V2�V1ð ÞC2

4z�1

ð1� z�1Þ ¼ 0

(4.73a)

and the equation at node V2 can be written similarly as

Vi

Rs
� V1

1

Rs
þ 1

L1
þ 1

L2
þ C2

� �
þ V2

1

L2
þ C2

� �

� z�1 �Vi

Rs
� V1 � 1

Rs
þ 1

L1
þ 1

L2
þ C2

� �
þ V2

1

L2
þ C2

� �� �

� V2 �V1ð ÞC2

4 z�1

ð1� z�1Þ ¼ 0 (4.73b)

Note that in Phase 1 (i.e., Phase 3), the input capacitor Cs, the damping capacitor

CAA, capacitor Cx, and the memory capacitor C charge the lower capacitor Cx. This

charge upon inversion together with the input is used in Phase 2 (i.e., Phase 4) to

update the charge on memory capacitor C. The circuit can be obtained by pooling

all z�1 terms and all non �z�1 terms and realizing them using common capacitors/

switched-capacitors as shown. In the next Phases 1 and 2 (and Phases 5 and 6), the

memory capacitor of the other path comes into picture. Note that the SC branches

A0 and C0 have capacitors CAA whereas the branch B0 does not have CAA.

The various capacitor values are as follows.

Ca ¼ 1

L1
þ 1

L2
þ C2 � 1

Rs
;Cs ¼ 1

Rs
;Caa ¼ 1

Rs
;Cbb ¼ 1

RL
;Cd ¼ Ce ¼ 1

L2
þ C2;

Co1 ¼ Co2;Co3 ¼ Co4;Cb ¼ 1

L2
þ 1

L3
þ C2 � 1

RL
;Cc ¼ Co1 Co3

4C2

(4.74)

The reader may note the difference in the capacitor values. The RAM-type

branch is shown in Fig. 4.31a and the complete SC HP2-path filter is shown in

Fig. 4.31b.
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Palmisano and Montecchi [4.50] have suggested a technique for realizing z !
�z�N transformed SC filters. This method also uses differential-output differential-

input opamps. The basic RAM-type pseudo N-path cell is shown in Fig. 4.32a

together with the relevant timing waveforms. A differential 2-path SC lossless

integrator based on Fig. 4.32a is shown in Fig. 4.32b. In this circuit, CF is the

integrating capacitor and the capacitors C1 and C2 form the storage array of

capacitors. The circuit is made stray-insensitive due to the availability of differential

outputs and differential inputs. When phases A and 1 are ON, capacitor C0
F receives

charge from the input capacitorC0
I and from the storage capacitorC00

1 which belongs

to the opposite path. This operation provides the needed sign inversion required by

the transformation. During Phase 2, the updated charge in C0
F is transferred back to

C0
1 in the storage array. This charge is held on C0

1 for two sampling periods.

The same operation is repeated during phase B with the charge stored on C00
2.

The resulting transfer function is thus

HðzÞ ¼ Vout2 �Vout1

Vin2 �Vin1
¼ C1

CF

1

1þ z�2

� �
(4.75a)

The application of this cell to realize sixth-order band-pass ladder filters is

shown in Fig. 4.32c. Note that the low-pass SC filter needs unswitched coupling

capacitors between outputs of certain opamps and inverting the input of certain

opamps which need to be replaced by switched capacitors so that the memory

function of the capacitors is realized by the RAM cells. The reader is urged to verify

the correctness of this approach.

Several N-path filter structures and variants have been suggested in the literature
with an aim to increase the frequency of operation for applications in video filters

and band-pass sigma-delta modulators. These are considered briefly in this section.

Quinn [4.51] and Quinn et al. [4.52] have suggested a technique known as

“charge redistribution” shown in Fig. 4.33a. Note that this three-path fully differ-

ential filter realizes a transfer function given by

HðzÞ ¼ 1� b3

1þ b3 z�3
(4.75b)

where b ¼ e
�p f o
Q f s is chosen to realize the desired pole-Q and the center frequency is

fs/6. (Note that only the single-ended version is shown). The Q realized can be

shown to be p
6 lnðbÞ . The reader is urged to prove this. Thus Q realized is a function

of the ratio of capacitors. The circuit, however, uses four-paths to realize a delay of

three clock periods. A simplified single-ended version of this 4-phase circuit is

shown in Fig. 4.33b, which shows two antiphase filter paths. Initially, Ca samples

Vin and Cb samples Vout. After three clock periods, Ca and Cb are connected in

parallel to redistribute their charge realizing the transfer function for the path as

Vout

Vin
¼ Ca z�3

ðCa þCbÞ þ Cb z�3
(4.75c)
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Fig. 4.33 (a) SC recursive charge-distribution bandpass filter having three paths, (b) simplified

version of (a) for two paths (Adapted from [4.51] # IEEE 1998)
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Evidently, b ¼ Cb

Ca þCb

� �1=3
. A Q of 16 at a center frequency of 4.286 MHz has

been shown to be realizable with b ¼ 0.9678. Quinn et al. [4.52] have extended the

work for realizing a 10.7-MHz radio IF filter for details of which the reader is

referred to their work.

4.9.3.4 SC N-Path Filters Using Double-Sampling

The double-sampling principle has been applied to N-path filters in order to increase
the over-sampling rate in sigma-delta converters. Liu et al. [4.53] have proposed a

pseudo 2-path band-pass filter shown in Fig. 4.34a which uses only one opamp per

stage. This circuit needs five clock waveforms (see Fig. 4.34b). The operation of the

circuit is as follows. In the circuit of Fig. 4.34a, the capacitors (C1,C2) and (C3,C4)

are sampling capacitors and (Ca1,Ca2), (Cb1,Cb2), and (Cc1,Cc2) are storage

capacitors. All the capacitor values can be the same. For this circuit, at time n,
Clk1 is high, Clk2 is low, and ClkC1 is high. The input voltage is sampled on

capacitors C1 and C2. The output voltage appearing at the capacitor pair CC1, CC2

is given as

VoutðnÞ ¼ Vin n� 1ð Þ � Vout n� 2ð Þ (4.76a)

where Vin(n � 1) was sampled to C3 and C4 at time (n � 1) and Vout(n � 2) is the

voltage on Cb1,Cb2 at time (n � 2). Note that C3 and Cb2 transfer charge to CC1 and

C4 and Cb1 transfer to Cc2. In this process, evidently, the charges on Cb1 and Cb2

have become zero. At time n + 1, the same operation continues and clock signal

ClkB1 is high. In this step, the input voltage is sampled on capacitors C3 and C4.

The output voltage appears at the capacitor pair Cb1, Cb2. The charges on Ca1 and

Ca2 also are transferred in this step to Cb1 and Cb2. It is evident that now Ca1,Ca2 are

free. The charge transfer is described as

Vout nþ 1ð Þ ¼ VinðnÞ � Vout n� 1ð Þ (4.76b)

In the next step, a similar operation takes place but with input stored on C1 and

C2 and storage carried out on Ca1, Ca2 and capacitors with the old charge being Cc1

and Cc2. This cycle repeats. The charge transfer is described as

Vout nþ 2ð Þ ¼ Vin nþ 1ð Þ � VoutðnÞ (4.76c)

Thus the transfer function realized is z�1/(1 + z�2). The circuit thus has

performed the double-sampling function. The frequency of clocks ClkA1, ClkB1,

and ClkC1 is two-thirds of the frequency of Clk1 and Clk2, therefore the clock

feedthrough occurs at fs/3, 2fs/3, and fs which are outside the pass-band.

The DSP2P (double-sampling pseudo two-path filter) described in Fig. 4.34a

cannot realize variable bandwidth since the application was for realizing a
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sigma-delta modulator. However, a variable bandwidth band-pass filter can be

realized using an alternative circuit due to Ng et al. [4.54] wherein they introduce

an additional degree of freedom. The operation of this circuit shown in Fig. 4.35a is

as follows. In this circuit using a three-phase clock and fully differential topology,

the integrating capacitor is made up of two parts: capacitors CFA and CDA. During

Phase C, the input is sampled on the capacitor CSA. In Phase A, the charge on CSA
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+ 
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Fig. 4.34 (a) Double sampled pseudo two-path filter for realizing z�1/(1 + z�2), (b) switching

waveforms (Adapted from [4.53] # IEEE 2000)
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is updated on the capacitors CFA, CDA. The signal is held for one clock period.

Later, in Phase C, only the charge in the feedback capacitor CFA is transferred to the

integrating capacitor in the other path (in order to realize the inversion needed), that

is, CFA in parallel with CDA. As such, the circuit implements a first-order high-pass

filter. The transfer function realized is given as

b
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+

B C
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Fig. 4.35 (a) DSP2P band-pass filter architecture with variable bandwidth, (b) clocking

waveforms (Adapted from [4.54] # IEEE 2005)
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HðzÞ ¼
Cs

CF þCD
z�1

1þ CF

CF þCD
z�2

(4.77)

Note that double-sampling here is achieved using only three phases of the clock.

The center frequency is fs/4 and is decided by the sampling frequency. The mid-

band gain is unity. The authors have demonstrated that a 44 MHz center frequency

band-pass filter with a bandwidth of 6.28 MHz using a clock frequency of 176 MHz

could be realized with very low power consumption since only one opamp is used.

4.10 High-Frequency SC Ladder Filters

High-frequency SC filters were first realized by using the double-sampling principle

by Choi and Brodersen [4.55]. Their proposed SC integrator is shown in Fig. 4.36a.

This is achieved by putting two sampling capacitorsC1 with opposite clock phases in

parallel as shown. The transfer function of this integrator is given by

Vo ¼ C1

C2

1

1� z�1

� �
V1 z�1 �V2

� �
(4.78a)

Note that the delay for the inverting and noninverting inputs is different.

The double-sampling integrator of Fig. 4.36a can be used to realize a biquad

based on the doubly-terminated second-order low-pass ladder filter of Fig. 4.36b

which works effectively at twice the sampling frequency as shown in Fig. 4.36c.

Note that the left integrator realizes a transfer function given by

Vo

Vi
¼ C1 z�1=2

C1 þC2 ð1� z�1=2Þ (4.78b)

clearly showing that the sampling frequency is doubled. The same is true for the

right integrator.

The design of high-frequency SC filters [4.56] involves lot of problems due to

high clock rates and resulting stringent requirements on settling time of opamps.

Most high-frequency applications also require large Qs (narrow bandwidths) lead-

ing to high sensitivity-to-capacitor ratios. Moreover, high-Q filters also need large

capacitor ratios. N-path filters discussed in the previous section have the advantage

that the center frequency is dependent only on the clock frequency. However, they

suffer from clock feedthrough due to mismatch of the various paths which will

degrade the dynamic range. Hence, there are some moderate Q applications, where

conventional techniques will be useful.
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The operating frequency of the SC filter is mainly limited by the settling time of

the amplifier. However, the opamp gain still has to be large. At high clock frequen-

cies, the capacitor charging time should be small, implying the use of large switches

which in turn leads to high charge injection. The large feedthrough may degrade the
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Fig. 4.36 (a) Double-sampled LDI type integrator, (b) doubly terminated RLC prototype second-

order filter, and (c) a SC filter derived from (a) working in both phases ((a) and (c) Adapted from

[4.55] # IEEE 1980)
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effective settling time. Fully differential circuits are recommended so that the power

supply noise, which is a common mode signal, gets cancelled.

The sensitivity in high-Q band-pass filters has been analyzed in detail by Choi

et al. [4.56]. They have suggested the use of coupled identical resonators for

realizing narrow-band high-frequency filters. They have observed that at the pass-

band edges, the sensitivity of the magnitude of the frequency response to integrating

capacitors is Q times more than that to the coupling capacitors. Hence they have

recommended the use of identical integrating capacitors so that good matching can

be achieved. Thus, the center frequencies of individual resonators can be matched

well. The time constants of the integrators can thus track together. Moreover, this

can simplify the layout of the complete SC filter.

A sixth-order band-pass filter using identical resonators obtained from a third-

order low-pass prototype of Fig. 4.37a by using LP to BP transformation is

presented in Fig. 4.37b [4.57, 4.58]. Note that all the resonators have the same

pole frequency oo. Note that the coupling branches are inversely proportional to Q.
The resonators use two integrators in a negative feedback loop. All integrators have

the same time constants. The dotted lines show the additional coupling paths

needed in the case of elliptic low-pass filters of Fig. 4.37d derived from the

prototype of Fig. 4.37c. Some of these paths feed into the integrator outputs using

feedforward capacitors whereas those feeding into the inputs of the integrators are

sampling capacitors.

In high-Q, high-frequency filters, the coupling between resonators can need large

capacitor ratios. The coupling capacitors in such cases can be implemented using a

T-network scheme [4.56]. As an illustration, the original integrator and integrator

needing less capacitor ratio are presented in Fig. 4.38a, b. Thus, instead of a ratio of

100, a ratio of 10 will be sufficient. The gains of the amplifiers of Fig. 4.38a, b are,

respectively, as follows:

Vo

Vi
¼ �C1

C2

and
Vo

Vi
¼ � C1

C2 þC3 þC4

� �
C4

C2

� �
(4.79)

Typically, C2:C3:C1:C4 ¼ 10:8:1:1 for realizing a gain of 0.01. Thus the maxi-

mum capacitor ratio is 10 instead of 100. The sensitivity to parasitics at the

intermediate node can be reduced by proper layout. The T-network scheme,

however, cannot be employed for the sampling capacitors and hence, alternative

techniques that convert the paths using sampling capacitors to paths using

feedforward capacitors have been suggested. These involve additional hardware

by rerouting the signal paths as shown in Fig. 4.37b.

The high-Q filters tend to have a low dynamic range since the noise gets

amplified by Q times in the resonators. As an illustration, the noise of the two-

integrator-based resonator in a high-order ladder filter can be modeled through the

use of two input-referred noise sources at the inputs of the integrators as shown in

Fig. 4.39. A simple analysis shows that

4.10 High-Frequency SC Ladder Filters 327



C1

RS

Vi

V1
L2

C3

RL

VO

a

C1

RS

Vi

V1

C2

C3
RL

Vo

c

b

-p

-p

–1/QR1

–1/QC1R1

s

wop =Vin –1/Q –1/Q

–1/QL2C1 –1/QL2C3

–1/QC3R2

VoC3

p
p

p

-p

-V1C2

-I2

d

s

ωop =

p

Vi

–1 –1 –1

p
p

p
p

p

–1/Q(C1+C2)R1

–1/QL2(C1+C2)

-C2/(C1+C2)

C2/(C1+C2)

C2/(C2+C3)
-C2/(C2+C3)

-1/QL2(C2+C3)

–1/Q(C2+C3)R3

Vo(C2+C3)

Vout

–1/QR1 –1/Q –1/Q

–V1(C1+C2)

-I2

L2

Fig. 4.37 (a), (c) Prototype all-pole and elliptic low-pass filters (b) and (d) operational

simulation-based SFGs derived from (a) and (c) using LP to BP transformation (a,c Adapted

from [4.56] # IEEE 1983)

328 4 Switched Capacitor Filters



x1 ¼ y2 þ vak þ ok

jo

� �
vbk � joQk2

ok
1� o2

k

o2

� �
y1 (4.80a)

At frequencies near resonance (i.e., ok), the vbk and vak terms will be equal

in (4.82a) and thus both can be combined as a single source vnj with an amplitude
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Fig. 4.38 (a) Direct realization of coupling gain of 0.01, (b) realization using a T-network with

reduced capacitor spread (Adapted from [4.56] # IEEE 1983)
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Fig. 4.39 Schematic of the two-integrator loop including noise sources and source and load

termination realization (Adapted from [4.57] # IEEE 1986)
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ffiffiffi
2

p
vaj or

ffiffiffi
2

p
vbj . For a singly terminated filter (i.e., a resonator cascaded by a load

resistance), the output can be derived as

vo ¼ vi �Qvn1

1þ joQ
oo

1� o2
o

o2

� � ¼ vi �Qvn1 at o ¼ oo (4.80b)

Thus, the combined noise source is amplified by Q.
Song and Gray [4.57] present an interesting discussion on the effect of LP-to-BP

transformation. Note that while using LP to band-pass transformation, the unity

gain frequency oco of the integrators in low-pass filters is transformed to oo which

is defined as Q ¼ oo/2oco and thus oo is Q times higher than of the integrators

in the low-pass filter. Hence if the same size integrating capacitors are used in

the desired band-pass filters, the integrator resistor needs to be Q times smaller.

The advantage is that the noise power density is reduced Q times. The noise is

amplified by the two-integrator loop by Q2 as shown earlier, the overall noise will

be Q2/Q ¼ Q and the dynamic range of the band-pass filter reduced by
ffiffiffiffi
Q

p
. The

effect of LP band-pass transformation is summarized in Table. 4.1.

We next present some general observations on the design of high-frequency SC

filters. The pole-frequency of a SC integrator is given by

f o ¼
1

2pRequ CI
¼ f c Cs

2pCI
(4.81a)

where Cs is the switched capacitor that realizes an equivalent resistance Requ and fc
is the sampling frequency. As the frequency of operation of SC filters increases, Cs

shall be small for fast charging. Hence, CI must be small. Small values of CI lead to

higher noise as can be seen from the following expression;

vnoise ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4kT 2þ L22 C2

1

� �
2p

s ffiffiffiffiffi
Q

CI

r
(4.81b)

thereby decreasing the dynamic range. Hence the integrating capacitor must be

large to decrease the noise level of the filter. The settling time constant of the two-

integrator loop can be derived as

t ¼ CI þCsð Þ
CI

gCL

gm
(4.82a)

where gm is the transconductance of the opamp differential pair and CL is the load

capacitance. Typically g is between 2 and 4 for CMOS opamps. The wide band-

width for the opamps used in the SC filter needs smaller capacitances which lead to

large noise. The switches are large devices to reduce their on resistance but the

feedthrough effect will be more.
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The settling time of a SC integrator is typically given as

tsettle<
d
f c

(4.82b)

where d is less than 1 but close to 1. The settling time of the opamp should be

10 times the settling time of the integrator as a rule of thumb, which means from

(4.82a, 4.82b) that

gm>
10 CI þCsð Þ

CI

g f c CL

d
(4.83a)

Assuming that the clock frequency fc is four times higher than fo, the bias current
can be estimated from (4.83a) as

I>
800 CI þCsð Þ2

C2
I

g2 f 2o C2
L

d2 mCox W=Lð Þ (4.83b)

It can be noted from (4.83b) that the power consumption is quadrupled as

the center frequency is doubled. Only a small CL will reduce power consumption.

The increase of W/L will not help much since large devices add their own parasitic

capacitance to CL.

4.11 SC FIR Filters

Several architectures have been described in the literature for realizing FIR filters

[4.59, 4.60, 4.61, 4.62, 4.63, 4.64, 4.65, 4.66, 4.67, 4.68, 4.69, 4.70]. Reddy and

Swamy [4.59] described the use of a SC FIR filter (see Fig. 4.40) for which the input

samples bi were output bits of a delta modulator. Hence, these bits, stored in an

analog shift register (SR), effectively form a delay line. The SC network weighs

these bits based on the tap weights realized using the capacitors C0, C1, and so on,

and sums them in real-time using the opamp and feedback capacitor Cf. The
capacitor Cd together with Cf realizes a lossy SC integrator so that a low-pass

filtering function is also carried out. The lossy integrator is offset-compensated

using the additional switches and capacitor Co2, by storing the offset in the even

phase and employing it in the odd phase as explained later.

Reddy and Swamy [4.60] have also described the application of the real-time

summation capability of SC networks to realize a discrete Fourier transformer. This

follows the straightforward approach for the realization of FIR filters by having a

tapped delay line and weighing the taps by the desired coefficients and summing the

weighted samples. Each of the DFT points of a sequence xo, x1, x2, x3, . . ., xn � 1

may be expressed as the outputs of band-pass filters with a FIR transfer function

given by
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Hk ðzÞ ¼
XN�1

n¼0
exp �j

2p
N

nk

� �
z�n ¼ 1� z�N

1� z�1 exp �j
2p
N

nk

� � (4.84)

Each Hk(z) can be expressed as transversal filter realization and the coefficients

of the transversal filters can be made real by combining (taking sum or difference)

of Hk(z) and Hn � k(z). An example four-point DFT implementation is shown in

Fig. 4.41a and its SC implementation is presented in Fig. 4.41b.

Interestingly, in SC filters, once a delay line is available, the weighting and

summation can be performed in one clock cycle using a switched-capacitor-based

summer needing just one opamp as has been seen in the case of Fig. 4.40b. The

stray-insensitive delay of Enomoto et al. [4.61] using a three-phase clock can

be used to realize the complete FIR filter. The tapped outputs of the delay line are

simultaneously converted into charges by different feedforward SC branches and

summed using separate opamps to obtain the various DFT outputs.
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Fig. 4.40 SC FIR filter realization to work on the output of Delta modulator (Adapted from [4.59]

# IEEE 1983)
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One of the disadvantages of the above technique of using a tapped delay line

comprising several unit delay stages is that the errors in delay stages due to the offsets

of opamps will add up due to the transfer through the analog delay line. On the other
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hand, if a parallel approach is taken, these cumulative errors can be avoided. Lee and

Martin suggested such an approach to realizemultiple FIRfilters on a single chip [4.63].

Fischer [4.64] has suggested, the use of N-path filter architectures using

circulating delay-type shift register described earlier in Sect. 4.9.3.3 in connection

with N-path filters, for realizing FIR filters using one opamp. A three-stage stray-

insensitive delay line is presented in Fig. 4.42a which needs a four-phase clock as

shown in Fig. 4.42b. In Phase 1, the input is acquired on capacitor Co and in Phase

4, the acquired charge is transferred to capacitor C4. In phase 4, the capacitor C1 is

discharged, since it contains old sample which will no longer be needed.

Next in the following Phase 1, the charge on capacitor C2 is transferred to C1

(implying that C2 is discharged). Next, in Phase 2, the charge on capacitor C3 is

transferred to C2 (implying that C3 is discharged). Finally, in Phase 3, the charge on

capacitor C4 is transferred to C3 (implying that C4 is discharged). The opamp

facilitates the charger transfer during these phases. The output voltages in various

phases taking into account the finite opamp gain can be derived as

Vo4 ¼ z�3=4 Vin1
C0

C4

1� 1

Ao
1þ C0

C4

� z�1 C4

C3

� �� �
(4.85a)

Vo3 ¼ z�6=4 Vin1
C0

C3

1� 1

Ao
1þ C0

C4

þ C4

C3

� z�1 C4

C3

þ C3

C2

� �� �� �
(4.85b)

Vo2 ¼ z�9=4 Vin1
C0

C2

� 1� 1

Ao
1þ C0

C4

þ C4

C3

þ C3

C2

� z�1 C4

C3

þ C3

C2

þ C2

C1

� �� �� �
(4.85c)

Vo1 ¼ z�12=4 Vin1
C0

C1

� 1� 1

Ao
1þ C0

C4

þ C4

C3

þ C3

C2

þ C2

C1

� z�1 C4

C3

þ C3

C2

þ C2

C1

� �� �� �
(4.85d)

Note that the delays are fractional delays of a clock cycle which can be made

integers by appropriate delay in the summing amplifier realizing the FIR filtering

operation. Note that the circuit of Fig. 4.44a can be offset-compensated using the

arrangement of Fig. 4.42c. The reader is urged to verify this. Evidently, the opamp

is connected as a buffer in Phase 1 in order to sample the offset voltage of the

opamp. For this reason, there is a reduction in the number of active phases of

the clock unlike in the circuit of Fig. 4.42a where Vout1 is also available.

A FIR filter can be realized as shown in Fig. 4.42d by tapping the outputs in

various phases and charging capacitors C2i with these outputs. Then, all these

capacitors are discharged during Phase 1 to capacitor C26. The ideal z-domain

transfer function can be obtained as
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Ho ðzÞ ¼ z1 Vin1
C10

C26

C20

C11

þ C21

C12

z�1 þC22

C13

z�2 þC23

C14

z�3 þC24

C15

z�4 þC25

C16

z�5 þ z�6

� �
(4.86)

Thus the seven coefficients of the FIR filter are determined by C26, C25, . . ., C20

and the remaining capacitors are for scaling purposes only. However, they need to

be equal for maximum signal swing.

Fischer [4.64] has also pointed out that cascading two stages also is feasible

using a single opamp. This has the advantage that the resulting cascade of two FIR

filters may have low sensitivity to coefficient errors. A sixth-order filter realization

using a cascade of fourth- and second-order FIR filters is presented in Fig. 4.42e for

completeness. Note that the two capacitors C14 and C26 can have arbitrary values.

The two transfer functions realized are, respectively,

H1 ðzÞ ¼ z�3=8 C10

C24

C20

C10

þ C21

C11

z�1 þC22

C12

z�2 þC23

C13

z�3 þ z�4

� �
(4.87a)

Ho ðzÞ ¼ z�5=8 C24

C32

C30

C24

þ C31

C25

z�1 þ z�2

� �
(4.87b)
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Thus, the coefficients of the first fourth-order FIR filter are determined by C24,

C23, . . .,C20 only and the remaining capacitors are for scaling purposes only.

Similarly, by choosing C24 ¼ C25, the coefficients of the second-order FIR filter

are determined by C32, C31, and C30 only and the remaining capacitors are for

scaling purposes only. However, for maximum signal swing, C14 ¼ C10 and

C26 ¼ C24 are recommended.

A half-delay circuit can be implemented [4.69] using the circuit of Fig. 4.43a.

Note that the capacitor C1 is charged by the input voltage in Phase 1 and this

capacitor is connected across the feedback path of the opamp in the Phase 2. During

Phase 2, another capacitor C2 is charged with the input voltage and this capacitor is

put across the feedback path of the opamp in Phase 1. Thus, effectively a half clock

cycle delay is realized. Note, however, that during the interval between Phases 1

and 2, the opamp feedback loop is open. Note also that there is no need for any

matching of capacitors.

A stray-insensitive delay has been described by Enomoto et al. [4.61] which uses

a three-phase clock. In this circuit, shown in Fig. 4.43b, the capacitor C1 is charged

to the input voltage in Phase 1. Its charge is transferred to the feedback capacitor in

Phase 3. In Phase 2, the memory of the capacitor is destroyed by discharging the

feedback capacitor. In Phase 1, the output is sampled by the next stage thus

effectively realizing a delay.

Another stray-insensitive delay using a two-phase clock [4.70] is presented in

Fig. 4.43c. In this circuit, in Phase 1, the capacitor C1i is charged to the input

voltage and the charge acquired is transferred to capacitor C1a in Phase 2. In the

next Phase 1, the charge on capacitor C1a is transfered to the input capacitor C2i of

the next stage. Note that XY feedback needs to be used to stabilize the circuit during

the interval between Phases 1 and 2.

4.12 Compensation of Finite Gain and Offset Voltage

of SC Integrators and Amplifiers

4.12.1 Offset and Finite Gain Compensation in Integrators

At the outset, it may be noted that the effect of opamp input-referred offset voltage as

well input-referred noise can be analyzed in one step since both of these have the

same transfer functions to the output of the circuit. On the other hand, the finite gain

of the opamp can be modeled by an input voltage of �Voe/A and �Voo/A at the

inverting input terminal of the opamp. Thus, by considering effective input voltage at

the opamp input as VoffeþVne � Voe

A in the even phase and similarly VoffoþVno � Voo

A
in the odd phase, the transfer function can be derived easily. The basic principle of

reduction of the effects of opamp offset voltage or noise or finite gain is to sample

these during the actual operation of the circuit in one phase and subtract them from

the ones occurring in the other phase. It is expected that the noise, offset voltage, and

finite gain error are correlated during the sampling and subtraction phases.
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The first offset compensation scheme for a lossy integrator was suggested by Fan

and Gregorian [4.71, 4.72]. This circuit is presented in Fig. 4.44a. The transfer

function of this circuit in the ’2 phase is given as
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Fig. 4.43 (a) Stray-insensitive SC half-delay circuit due to Nagaraj, (b) SC delay circuit using

three-phase clock due to Enomoto, Ishihara, and Yasumoto, and (c) SC delay circuit using two-

phase clock due to Gillingham ((a) Adapted from [4.69]# IEE 1984, (b) Adapted from [4.61]#
IEE 1982, (c) Adapted from [4.70] # IEE 1982)

338 4 Switched Capacitor Filters



Voo ¼
Vie a3 z�1=2 þ Voffo �Voffe z

�1=2
� �

a3 þ a1 þ1ð Þ þ C z�1=2

CþCo
Voffe �Voffo z�1=2
� �

a1 þð1� z�1Þ þ a3 þ a1 þ1�C z�1

CþCo

A

� �
(4.88)

In the even phase, the output of the amp is equal to the offset voltage since the

opamp is connected as a buffer. The integrator function is achieved by storing the

output on capacitor Co which acts as a memory. The loss is realized by discharging

the capacitor a1C in the even phase. Considering that the offset voltages in the even

and odd phases Voffe and Voffo are correlated, the effect of the offset voltage of the

opamp is eliminated in the output Voo. On the other hand, the finite gain effect is still

present as seen from the term in the denominator. The dc gain can be seen from

(4.88) to be
a3

a1 þ a3 þ a1 þ1� C
CþCo

A

.

In the case of a lossless integrator (i.e., a1 ¼ 0), the dc gain is
A

a3 þ a1 þ Co

CþCo

.

The circuit has the disadvantage that the transitions at the output of the opamp

from signal level to ground restrict the speed of operation of the circuit.

Another offset compensation scheme for an integrator due to Haug et al. [4.73] is

shown in Fig. 4.44b. Note that in ’2, the capacitors C1 and C2 act as an integrator

realizing the transfer function

Voo ¼ �Vio C1 þVoffo ðC2 þC1 ð1� z�1ÞÞ � Voffe C1 z�1=2

C2 ð1� z�1Þ (4.89a)

under the condition C3 ¼ C1. It may be noted that the output in the even phase is

close to the output in the odd phase. Thus, the opamp need not slew to ground

voltage and quickly adapts to the output signal. The dc gain of the integrator due to

the finite opamp gain A can be derived as (A2 + 2A) which evidently is larger than

that for the circuit of Fig. 4.44a. The output in Phase 1 is

Voo ¼ �Vio z�1=2 C1

C2 ð1� z�1Þ � 2Voffo (4.89b)

Another circuit for compensating the offset of the opamp [4.74] is shown in

Fig. 4.44c. In this circuit, the input is fed forward using capacitors C3 and associated

switches. Note that the condition C1 ¼ C3 and C2 ¼ C4 will be required. The input

needs to be held over a clock period such that Vie ¼ Vioz
�1/2. The output in the even

phase is close to the output in the odd phase. The dc gain of this compensated

integrator is given by A2 C2

C1 þC2
þ Að2C1 þC2Þ

C1 þC2
which is less than that of the circuit of

Fig. 4.44b. The output in Phase 1 is
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Voo ¼ �Vio z�1=2 C1

C2 ð1� z�1Þ � Voff
C1 þ2C2

C2

� �
(4.89c)

An interesting technique has been suggested by Lam and Copeland [4.75] which

is presented in Fig. 4.44d. This uses an auxiliary memory capacitor CI. In Phase 1,

the output can be shown to be given by

Vie C1 þVoe C2 1� z�1
� � ¼ Voffe �Voffo z�1=2 �Voe

A

� �

� C1 þC2 1� z�1
� �� �

(4.90)

Note that the offset compensation is achieved whereas finite gain is not

compensated. The dc gain of the integrator is A. On the other hand, in the ’2 phase,

the output slews to Voff. This circuit, however, has led to numerous other circuits for

finite gain and offset compensation using the concept of having a memory capacitor.
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Fig. 4.44 (continued)
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Nagaraj [4.76] has suggested the circuit shown in Fig. 4.44e for opamp finite gain

compensation. In this circuit, in Phase 1, the capacitors C3, C4 form an integrator.

The error due to the finite gain of the opamp is stored onCI. In Phase 2, the capacitors

C1 and C2 function as an integrator and the stored error on CI is used to cancel the

error that would otherwise have occurred. The output in Phase 2 is given as

Voo ¼
Voffo �Voffe z

�1=2
� �

C1 þC2 1� z�1ð Þð Þ � Vio C1

C2 1� z�1ð Þ (4.91a)

under the condition C3 ¼ C1 and C4 ¼ C2 and the condition Vie ¼ Vioz
�1/2 . The

output in Phase 2 is offset-free. The dc gain can be shown to be the same as that of

Fig. 4.44c. The output in phase 1 in the ideal case A ¼ 1 is

Voe ¼ �Vio z�1=2 C1

C2 1� z�1ð Þ � Vie C1

C2

þ Voffe ðC1 þC2 þCI ð1� z�1ÞÞ
C2

(4.91b)

4.12.2 Compensation of Opamp Offset and Finite
Gain in SC Amplifiers

Gregorian [4.71] has described a technique for compensation of the offset voltage of

the opamp in SC amplifiers as shown in Fig. 4.45a. In Phase 1 (even phase), the

opamp is connected as a buffer thus making the offset voltage of the opamp appear at

its output terminals and charging the capacitors C2 and C1 to the offset voltage.

At the same time, the input voltage is sampled. In Phase 2, the capacitors C1 and C2

perform the amplification operation. However, the already sampled offset voltage in

Phase 1 will effectively be subtracted from the offset voltage of the opamp in Phase

2 (odd phase). Note that the offset voltages in both Phases 1 and 2 are correlated and

hence are likely to be almost the same. This operation is known as “correlated double

sampling” (CDS). The transfer function of the amplifier can be derived as

Voo ¼ C1 z�1=2 Vie þðC1 þC2ÞðVoffo �Voffe z
�1=2Þ

C2 þ C1 þC2

A

(4.92)

It is thus seen that the finite gain of the opamp still is not compensated but the

offset is totally eliminated since Voffe and Voffo will not change during adjacent

clock periods. The disadvantage of the circuit is that in one phase of the clock the

opamp output needs to return to ground thus limiting the speed of operation. The

opamp shall have a high slew rate and fast settling time.

Haug et al. [4.74] have suggested another offset compensation circuit that also

compensates gain. This circuit, shown in Fig. 4.45b, has the same subcircuit

comprising C1 and C2 and associated switches as in Fig. 4.45a whereas the rest of

the circuit is different. The advantage is that the opamp output voltage will be

approximately the same in both phases.
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Larson et al. [4.79] have described a wideband gain and offset compensated SC

amplifier architecture shown in Fig. 4.45c. Although the subcircuit comprising C1

and C2 and associated switches is the same in this case as in Fig. 4.45a, the rest of
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Fig. 4.45 SC amplifiers with offset and gain compensation due to (a) Gregorian, (b) Haug,

Temes, and Martin, (c) Larson, Martin, and Temes, (d) Yoshizawa and Temes, and (e) generalized

circuit obtained from (b) to (d) ((a)-(d) Adapted from [4.72]# Elsevier 1980, Adapted from [4.73]

# IEEE 1984, Adapted from [4.79] # IEEE 1987, Adapted from [4.80] # IEEE 2007)
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the circuit is different. In this case, the input is also fed forward using capacitor C3

and feedback exists through C4.

Yoshizawa and Temes [4.80] have recently described another wide-band

gain compensated amplifier presented in Fig. 4.45d which is an extension of

Fig. 4.49b. In this case, the input is also fed forward using capacitor C1n and

this circuit needs a negative input voltage �Vin which may be available in

differential-mode circuits.

The circuits of Fig. 4.45b–d can be unified into one circuit for the purposes of

analysis as shown in Fig. 4.45e. Note that in all the cases

Voo C2 �Vie C1 z�1=2 þðC1 þC2ÞðVoffe z
�1=2 �VoffoÞ ¼ 0

holds and thus the offset voltage is compensated. The transfer function of the circuit

of Fig. 4.45e can be obtained as

Voo ¼ Vie z
�1=2 a� Voffe b

D
(4.93a)

where

a ¼
C1 þC2

A

� �
C1 þC3 �Cin ð1� z�1Þ� �� C1 ðC4 þCsÞ

� C1 ðC1 þC2 þC3 þC4 þCs þCin ð1� z�1Þ
A

0
BB@

1
CCA (4.93b)

b ¼ C1 þC2

A

� �
z�1=2 C3 þC4 þCs þCin ð1� z�1Þ� �

(4.93c)

and

D ¼� C2 ðC4 þCsÞ

� C1 þC2ð Þ C4 þCsð Þ þ C2 ðC1 þC2 þC3 þC4 þCs þCin ð1� z�1ÞÞ
A

þ C1 þC2ð Þ2 z�1 � C1 þC2ð ÞðC1 þC2 þC3 þC4 þCs þCin ð1� z�1ÞÞ
A2

þ Cs þC2ð Þ C1 þC2ð Þ z�1

A
(4.93d)

It can be easily verified that using an infinite gain opamp (i.e., with A ¼ 1), the

gain of the amplifiers of Fig. 4.45b–e is C1/C2. Note from (4.93) that the output Voo

has a filtered Voffe/A component which is much less due to the factor 1/A. For the
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circuits of Fig. 4.45b, d, the dc gain is the same since Cin does not come into

the picture for dc gain evaluation. The dc gain is independent of A to a first-order:

Adc ¼
C1

C2
1þ 1

A

� �
1þ 1

A þ C1 þC2ð Þ
C2 A2

(4.94a)

Evidently, the dc gain is compensated and the offset voltage is attenuated. In the

case of the Larson et al. [4.79] circuit of Fig. 4.45c (under the condition Cs ¼ Cin

¼ 0, C3 ¼ C1 and C4 ¼ C2), the dc gain can be seen to be

Adc ¼
C1

C2

1þ 1
A 2þ 2C1

C2

� �
þ 1

A2
C1 þC2

C2

� �2 (4.94b)

In this case also, the gain is not compensatedwhereas the offset is attenuated byA.
Nagaraj et al. [4.76] described another wide-band finite gain compensation scheme

as shown in Fig. 4.46a. Note that as before in the case of SC integrators of Fig. 4.45d, e,

a memory capacitor CH is added to store the offset voltage in one phase and use it in

another phase for offset compensation. This circuit needs a sampled and held input.

The symmetry of the upper and lower SC circuits excluding CH and the switch SA can
be noted. Amodification of the circuit due toYoshizawa and Temes [4.80] which uses

a different compensation circuit in the lower branches is shown in Fig. 4.46b. The

transfer function of both these circuits can be obtained in a unified way as

Voo ¼ N

D
(4.95a)

where

N ¼ �Vio C1 þ Voffo �Voffe z
�1=2

� �
ðC1 þC2Þ

� �
C4 þCs þm

A

� �
þ z�1=2 C1 þC2

A

� �
Voffe m� Vie ðC3 �Cin ð1� z�1Þ� �

(4.95b)

and

D ¼ C4 þCs þm

A

� �
C2 þC1 þC2

A

� �
� Cs C1 þC2ð Þ z�1

A
(4.95c)

m ¼ CH þCinð Þð1� z�1Þ þ C3 þC4 þCs (4.95d)

Both circuits of Fig. 4.46a, b are not affected by the offset of the opamp. The dc

gain of Voo/Vio under the condition A ¼ 1, can be seen to be �C1/C2. On the other

hand, the dc gains of both circuits are, respectively, as follows.

Voo ¼
�Vio

C1

C2
1þ 2 C1 þC2ð Þ

C2 A

� �
1þ 2 C1 þC2ð Þ

C2 A
þ C1 þC2ð Þ2

C2
2 A

2

(4.96a)
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Voo ¼
�Vie

C1

C2
1þ 1

A

� �
1þ 1

A þ C1 þC2ð Þ
C2 A

2

(4.96b)

4.13 Distortion in SC Filters

SC filters have several nonidealities associated with switches, capacitors, and

opamps [4.81, 4.82, 4.83].

The capacitors used in SC filters have nonlinear voltage dependence which can

be described as
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# IEEE 2007)
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CðVcÞ ¼ Co ð1þ a1 Vc þ a2 V2
c þ:::Þ (4.97)

where Vc is the voltage across the capacitor, Co is the nominal value of the

capacitance at the quiescent voltage, and a1 and a2 are the linear and quadratic

coefficients, respectively. The second and third harmonic distortions arising since

of this nonlinearity can be expressed in terms of the input peak voltage Vip and

output voltage Vop as

HD2 ¼ a1
2

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
V2
o þ

Vi

2

� �2
s

; ooTc � 1 (4.98a)

HD3 ¼ a2
4

V2
o þ

V2
i

3

� �
; ooTc � 1 (4.98b)

where Vi,oo are the amplitude and radian frequency of the input signal and Tc is the
period of the sampling clock.

The second-order distortion is proportional to the output voltage whereas the

third-order distortion is proportional to the square of the output voltage. Note that

by using fully differential structures, it is possible to cancel to the second harmonic

distortion. The following discussion assumes the use of fully differential amplifiers.

The other nonlinearity is since of the amplifier open-loop gain nonlinearity. The

nonlinearity of the amplifier open-loop gain can be expressed as

Vo ¼ a1V1 þ a2V
2
1 þ a3V

3
1 þ :::Þ (4.99a)

where V1 and Vo are the amplitudes of the input and output voltages of the opamp,

and a1 and a2 are the linear and quadratic coefficients. The resulting second-order

and third-order harmonic distortion are:

HD2 ¼ a2
2 a31 b

Vo

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1þ Vo

2Vt

� �2
s

; ooTc � 1 (4.99b)

HD3 ¼ a3
4 a41 b

V2
o 1þ Vo

3V1

� �
; ooTc � 1 (4.99c)

where b ¼ C2

C1 þC2
is the feedback factor of the integrator.

Distortion also can be caused by the slew rate of the amplifiers. This is illustrated

in Fig. 4.47. The ideal staircase type of waveform in the output stage, waveform

with exponential rise, and slew-limited waveforms are shown in Fig. 4.47a–c,

respectively. The errors between (b) and (a) and (c) and (a) are shown in

Fig. 4.47d, e, respectively. When a capacitor with an initial voltage larger than
ffiffiffi
2

p
VGS �VTHð Þ where (VGS � VTH) is the bias voltage of the input transistors is

suddenly switched across the amplifier input, the amplifier output is slew-rate

limited; that is, the output is no longer proportional to the input. Thus, the output
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of the amplifier after the end of linear settling time following a slewing time has

some “memory” of slewing itself. This causes nonlinearity on the envelope of the

signal. The resulting kth harmonic distortion is given by

HDk ¼
8 sin oo Tc

2

� �� �2
pkðk2 �4Þ

Vo

Sr Tc

� �
k ¼ 1; 3; 5; 7; ::: (4.100)

where Sr is the slew rate of the opamp. This distortion is caused only by the last

opamp unlike those discussed earlier. It can be reduced by increasing the ratio

between input signal overdrive and the peak of the sine wave signal since slewing

time is shorter. Furthermore, having a large bandwidth for the opamp helps since

the opamp can settle quickly and has less memory of slewing.

The ON-resistance of the switches also introduces nonlinearity. This leads to

incomplete charging of the switched-capacitors. The ON-resistance can be

represented as

RON Vrð Þ ¼ RONo 1þ r1Vr þ r2V
2
r þ :::

� �
(4.101)

where RONo is the nominal value of the switch resistance at the quiescent voltage, Vr

is the common source-drain voltage of the switch, and r1 and r2 are the linear and
quadratic coefficients, respectively.

We next consider the signal-dependent charge injection of the switches. Using

the optimum four-phase clock, this can be reduced. Typical two-phase and four-

phase clocking waveforms used in a SC circuit of Fig. 4.48a are shown in

Fig. 4.48b. These waveforms can be considered to have five distinct time slots as

Fig. 4.47 (a) Ideal waveform

with zero rise time,

(b) waveform with

exponential rise time,

(c) slew-limited waveform,

(d) linear error, (e) slew-

limited error (Adapted

from [4.81] # IEEE 1985)
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shown. In time slot Dt2, differential error is introduced when the ON resistances of

M2 and M2
0 are not equal. This error can be minimized by using complementary

switches so that the resistance variation with drain-source voltage is small.

4.14 Low-Voltage SC Filter Design Techniques

Low-voltage circuits may have reliability problems [4.84]. The CMOS circuit

failure is due to device breakdown which could be for the following reasons: (a)

oxide breakdown, (b) gate-induced drain leakage, (c) hot-electron effects, and (d)

punch-through. CMOS technology is designed in such a way that all the

degradations occur at the same stress level.

Instantaneous and time-dependent gate-oxide breakdowns limit the maximum

gate-source and gate-drain potential differences that can be applied to a transistor.

Similarly, gate-induced drain leakage (GIDL) tunneling current limits the voltage

across the oxide. Furthermore, when the device is on, hot-electron effects can

damage the device and degrade the performance over time, limiting the Vgs and Vds

a

+

–

–

+

C

C

Φ1a

Φ1a

Φ1a

Φ1a
Φ1a

Φ1a

Φ1a

Φ1a

M1

M1

M1

M1 M1

M1

M1

M1

b

c

Fig. 4.48 (a) A fully differential SC integrator, (b) conventional two-phase clock, and (c) a four-

phase clock to reduce charge injection (Adapted from [4.81] # IEEE 1985)
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that can be applied. Finally, punch-through limits the magnitude of Vds when the

device is off. If these critical terminal voltages Vds, Vgs, and Vgd are kept within the

rated operating voltage Vdd of the technology, the device reliability can be assured.

It may be noted that the above voltages are relative to each other and not to ground.

Thus, absolute Vg referenced to ground may exceed the rated Vdd if Vgs < Vdd is

maintained. Care must be taken to see that the source to substrate and drain to

substrate junctions do not exceed reverse breakdown voltages. These breakdown

voltages are typically larger than the supply voltage since the substrate is doped

much less than source and drain diffusions.

A critical problem in designing low-voltage SC circuits is the difficulty of

implementing switches. As a result, at low power supply voltages, the power

dissipation in fact increases. This can be seen from the following analysis [4.84].

The power dissipation of a SC circuit can be written as

P 1 IVdd (4.102a)

Next, the bias current of the OTA is given as

I 1 gm Vgs � VT

� �
(4.102b)

The bandwidth of the OTA evidently is given as

gm
C

1 fs (4.102c)

where C is the load capacitance and fs is the sampling frequency. Noting that the

dynamic range is the ratio of the signal swing (a fraction of Vdd ¼ aVdd) squared

over the sampled thermal noise as

DR 1 aVddð Þ2
kT=Cð Þ (4.102d)

combining the above relationships we have

P1 kTDR f s
Vgs �Vt

a2 Vdd

� �
(4.102e)

Evidently, as Vdd decreases, power dissipation increases. It is thus important to

use circuits that maximize the available signal swing a.
Several approaches have been suggested for the design of low-voltage SC filters.

These are (a) the use of low threshold voltage devices, (b) switched-opamp technique,
(c) use of on-chip clockmultipliers, (d) use of local switch bootstrapping, and (e) using

unity gain reset opamps. The use of low threshold devices [4.85] is a high-cost

technology. Moreover, the leakage current increases and causes charge loss thereby

leading to harmonic distortion [4.86]. We consider hence the other techniques next.
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4.14.1 Switched-Opamp Technique-Based SC Filters

A technique that has received considerable attention for designing low-voltage SC

filters is the switched-opamp technique [4.87, 4.88]. At low voltages, the telescopic

cascode type of opamp may not be attractive due to the low swing that is available.

Hence two-stage Miller-compensated opamps will be the best solution. As supply

voltage decreases, the overdrive voltage of the CMOS switches will decrease and

hence the switches will turn off. This is illustrated in Fig. 4.49a, b for a supply

voltage of 5 V and for a supply voltage of 1 V. For a supply voltage of 5 V, the switch

will have a minimum resistance of gdsmin. On the other hand, for a supply voltage of
1 V, a critical region around VDD/2 exists when both transistors are OFF. Hence any

switch connected to the output of the opamp does not operate properly. A possible

way to ensure that switch S1 operates properly is to bias the opamp output close to

ground or close to the positive supply but the swing will be less (see Fig. 4.49b).

In the switched-opamp technique, the switch following the opamp in conven-

tional SC integrators (see Fig. 4.50a) is eliminated by having an opamp that can be

switched ON or OFF. In the conventional inverting integrator of Fig. 4.50a, switches

S2, S3, and S4 have their source nodes always connected to reference voltage VREF or

virtual ground. The virtual ground also is kept onVREF by the feedback system.Hence

the maximum VDD needed is VDSsat + VTn + VREF where VREF ¼ VDSsat,n

+ (Vswing/2). On the other hand, the switch S1 needs to handle an input signal coming

Fig. 4.49 Conductance of

minimal size complementary

switch (a) for VDD ¼ 5 V,

and (b) for VDD ¼ 1.5 V

(Adapted from [4.88]

# IEEE 1997)
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from the output of a preceding opamp. Hence the minimum power supply needed is

VDSsat + VTn + VDSsat,n + Vswing. Note that eliminating this switch is not possible

since otherwise the transistor S3 short-circuits the output of the opamp to ground.

However, it is possible to switch OFF or switch ON the output stage of the opamp.

This stipulates a restriction that the opamp has to drive and integrate in the same

phase (when it is ON). Thus, modification of the basic SC circuits of Fig. 4.50b will

be needed. The resulting circuit is shown in Fig. 4.50c which needs three opamps.

An extra noninverting half delay is realized using opamp A2. The switched opamp-

based integrator is shown in dotted lines in Fig. 4.50c.

A typical switched opamp is shown in Fig. 4.50d which is the conventional two-

stage CMOS opamp with frequency compensation. The additional transistors M10

and M9 realize the switched opamp function by switching off the current mirror

function realized by transistors M5–M7 as well as the transistor M6. The PMOS

switchM10 operates with any input voltage larger than VTp + VDSsat since its source

is connected to the power supply. A clock “high” state causesM10 to be OFF and the

current mirror will act in the normal manner. A “low” clock state turnsM10 ON and

disables the current source transistors. The opamp is switched OFF. For fast

switching ON, the transistor M8 needs to be large and has a width equaling the

sum of the widths of all the devices it drives. The additional transistor M9 is

required to interrupt the current path through M6 so that the capacitor Cc is not

discharged. The size of M9 is such that the voltage across it during the ON state of

the opamp is quite low. Furthermore, its presence should not degenerate the gain of

the opamp. Note also that the clocks used to control M9 and M10 should be

synchronized.

The switched opamp technique introduces extra active elements (one per inte-

grator, except at the input), thus increasing the chip area. The power consumption is

not, however, affected since the opamps are turned ON only in one half of the clock

period.

Baschirotto and Castello [4.89] have suggested some improvements for the

switched opamp technique that are described next. In the steady state, in the

switched opamp-based integrator redrawn in Fig. 4.51a, the condition Vout,dc �
V

3
¼ V2 � V4 will hold. Under this condition, no charge injection into the virtual

ground node occurs. In this circuit, considering the threshold voltage VT ¼ 0.9 V,

VDD ¼ 1.5 V, V2 ¼ V3 ¼ V4 ¼ Vin,dc ¼ Vout,dc ¼ VREF ¼ 425 mV, the output

swing is 550 mV. It can be seen thus that the dynamic range of the scheme

of Fig. 4.51a is much less than the power supply voltage. Another limitation of

the above circuit is that the opamp is switched OFF completely during one

phase. This will cause a long turn-on time thereby decreasing the frequency of

operation.

Baschirotto and Castello [4.89] observe that the power supply voltage can be

reduced to VTH + 2Vov and rail-to-rail operation is possible with suitable modifi-

cations. They suggest that only the second stage of the opamp needs to be shut off

and the charge stored on the compensating capacitor is maintained during the OFF

phase of the opamp. Thus high frequency of operation can be feasible. In addition,

a fully differential topology also is recommended. In their circuit, whose
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single-ended version is shown in Fig. 4.51b, a switched capacitorCDC is used to pump

a fixed amount of charge into the virtual ground to define the opamp input common

mode voltage. Thus, the common mode voltage is decoupled from the opamp output

dc voltage. In the steady-state condition, CDCVDD + CINVOUT,dc ¼ CINVDD.

Choosing CDC ¼ CIN/2, we have VOUT,dc ¼ VDD/2. Thus, simultaneous optimiza-

tion of the switch operation and signal swing is achieved. Thus, a Vin,dc of ground

can be achieved. During the turn-on transients of the switch, due to charge injection,

negative spikes result at the inverting input of the opamp which may forward bias

the bulk diode (shown in dotted lines) at the input terminal of the opamp. This

transient can be reduced by the charge injected by CDC simultaneously. All the

switches (realized using NMOS) are connected either to ground or connected to

VDD (realized using PMOS). Thus, the minimum supply voltage required is VTH +

Vov where Vov is the overdrive voltage.

a

–

+

Vout,dc

ϕ1 ϕ2

S2

Sa, φ2

S1

S3

C2
S4C1

V2 V3 V4

ϕ1

–

+

b

C1

C2

Vo

VDD

VDD

CDC
Φ2P

Φ1Nd

ϕ2P

ϕ1P ϕ2N

ϕ1N

–

+ 

–

+

Fig. 4.51 (a) A switched opamp-based SC integrator, and (b) modification to achieve indepen-

dent setting of common mode input voltage and quiescent output voltage (Adapted from [4.89]

# IEEE 1997)
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4.14.2 Clock Boosting Technique

Giustolisi et al. [4.90], and Aloisi et al. [4.91] have described a clock boosting

technique that is considered next. In this circuit, shown in Fig. 4.52a, transistorsMB1

andMB2 form an inverter.When VCLK is high, the capacitorCB1 is precharged toVDD

through transistor MB3. During this phase, the load capacitor CBL is discharged

through MB5 which is ON. Transistor MB4 is open during this phase. In the next

phase when VCLK is low,MB3 is OFF,MB4 closes, andMB5 is OFF. Thus, the supply

voltage VDD gets added to the precharged voltage available onCB1 to supply 2VDD to

the load throughMB4. The output voltage tries to reach 2VDD but during the last part

of the transient, the bulk junction of MB3 clamps the output to VDD + 0.6.

Another well-known multiplier circuit [4.82, 4.92] is shown in Fig. 4.52b.

It consists of four transistors M1–M4 driven by a two-phase clock. It needs two

capacitors CA and CB. During j1, CA is charged by the battery voltage Vbatt and CB

supplies current to the load. During ’2, CA is connected between the battery and CB

and supplies current to the load andCB itself. Hence, the top plate ofCB rises to almost

twice the battery voltage Vbatt after many clock periods. However, theVcc value is not

predictable depending on the load and on temperature and process spreads via

resistances ofM1–M4. Moreover, it also depends on the state of the battery itself.

An improved regulated power supply can be built using the circuit of Fig. 4.52c.

Note that a feedback path is included to control the ON-resistance ofM2 during ’1.

This feedback applies a proportional as well as an integral transfer function to

V1–V2 that are scaled down with respect to VCC and to a precise internal reference

VCM thus forcing V1 to be equal to V2:

VCC ¼ VCM
R3

R3 þR4

� �
1þ R2

R1

� �
(4.103)

It may be noted that a ripple is superimposed on VCC at the multiplier clock

frequency but this only leads to very small offset and clock feedthrough at the SC

filter output.

4.14.3 Local Switch Bootstrapping

The concept here is to maintain fixed voltage across the gate and source which is

signal-independent. One such circuit [4.84] is shown in Fig. 4.53. In this circuit, the

actual switch is M11. The clock ’ turns this switch ON and OFF. During the OFF

phase, ’ is low. DevicesM7 andM10 thus conduct grounding the gate ofM11. At the

same time, VDD is applied across capacitor C3 through M3 and M12 and devices M8

and M9 are OFF. Thus, C3 is isolated while it is charging. When ’ is high, M10 is

OFF,M5 pulls down the gate ofM8 thus first connecting gate G ofM11 to the battery

capacitor C3. Thus bothM9 andM11 will turn ON thereby applying VDD across gate

and source terminals of the switch which is kept constant independent of the input

signal at the source. Since the body of M8 is tied to its source, latch-up is
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suppressed. DeviceM7 reduces the Vds and Vgd experienced byM10 when ’ ¼ 0. C3

must be sufficiently large to supply charge to the gate of the switch in addition to

parasitic capacitances Cp in the charging path, where Cp is the parasitic of the top

plate of C3. In the design of [4.84], C3 is typically 0.5–1.8 pF which is six times Cp.

The gate voltage is given by

VG ¼ VS þVDD
C3

C3 þCp

� �
(4.104)

The transistors M1, M2 and capacitors C1 and C2 perform as a clock multiplier

[4.93, 4.94] that enables M3 to unidirectionally charge C3 during the OFF phase.

The operation of the clock multiplier is as follows. The capacitors C1 and C2 are

charged to VDD via cross-coupled NMOS transistors M1and M2. When the input

clock CK goes high, the output clock CKSW approaches a value slightly less than

2VDD due to charge sharing with parasitic capacitances. The capacitor C1 can be

small whereas C2 has to be large. The feedback technique employed can eliminate a

voltage loss due to threshold voltage Vt of MOSFETs.

Wenext consider alternative bootstrapping techniques [4.95].A basic bootstrapped

switch circuit is shown in Fig. 4.54a. In this circuit, in Phase 2, the capacitor Coffset is

charged to the supply voltage VDD � VSS and the gate of the switch is grounded thus

makingMNSWOFF. In Phase 1, the capacitor Coffset is connected across the gate and

source terminals of the switch MNSW so that the Vgs is kept constant independent of

the input signal level. Thus, rail-to-rail signal switching is feasible. Note that all

switches in a SC circuit need not be bootstrapped. As an illustration, a SC low-pass

filter is presented in Fig. 4.54b. Note that only the switches S1 and S6 need to handle
large signal levels whereas the switches S4 and S3 handle only ground or virtual

ground. It may be observed that two reference voltages are used: VDD/2 and VSS. At

S

M4

ф

C3

M2
M1 M3

M8

M13M5

M9 M11

M7 M10

φ′= CK

φ′

C1 C2

M12

G

Vdd

CKSW

Fig. 4.53 Switch bootstrap circuit due to Abo and Gray (Adapted from [4.84] # IEEE 1999)
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the opamp input, for the switch S4, Vss can be used since it is switching ground or

virtual ground and this switch can be a normal switch. The VDD/2 reference voltage is

used for the switches S3 and S5 since they need to handle large signals and these use

bootstrapped switches. Using Vss at the opamp input eases the biasing of the input

transistors of the opamp. However, it may cause charge leakage due to negative

transient spikes. The reverse-biased diodes due to the drain-source-bulk junctions of

switches S4 and S2 (shown in dotted lines) conduct due to these negative spikes thereby
discharging the integrating capacitor. Nodes N and I are subject to these spikes. Note

also that the switched capacitors C2 and C3 are not reset to zero but to VDD/2 thus

reducing the voltage step to VDD/2. Furthermore, due to opamp finite bandwidth, the

spike amplitude will be much lower than 0.5 V when a supply voltage of 1 V is used.

The number of bootstrapped switches can be reduced using a single analog

reference voltage Vss. However, the signal still varies around VDD/2 at the input

as well as the output of the opamp. The difference between the two reference

voltages can be compensated by injecting a fixed charge into the node N using

additional switched capacitor CCM as shown in Fig. 4.54c. The extra capacitor,

however, increases the switching noise.

The transistor-level implementation of the bootstrapped switch is shown in

Fig. 4.54d wherein some additional devices have been employed to make it

symmetrical. The transistors MN1, MP2, MN3, MP4, and MN5 correspond to the

five ideal switches S1–S5, respectively. Additional switches are introduced to

facilitate rail-to-rail operation and they also help to limit all gate-source voltages

to VDD. Gate connection ofMP4 andMP2 prevent their overstress when the voltage
at node B rises to VDD. Transistor MN6S triggers MP2 ON at the beginning of ’1

and transistor MN6 keeps it on as the voltage on node A rises to the input voltage

Vin. Gate connections of switchesMN1 andMN6 allow them to turn on like MNSW.

In addition, the transistorMNT5 has been added to prevent the gate drain voltage of
MN5 exceeding VDD during ’1 while it is OFF. During ’1 when MNT5 is off, its

drain–bulk diode junction voltage reaches 2VDD. This must be compatible with the

technology limits. Finally, note that the bulk of transistors MP2 and MP4 must be

tied to the highest potential: that is, node B and not to VDD. The voltage at the drain

side of the main switch MNSW must be greater than that at the source side at the

switching moment so as to prevent the drain source voltage to exceed VDD during

the turn on transient. In order to overcome the limitation, anther transistorMN2 has
been added to the drain side as shown in dashed lines to make the switch symmet-

rical. The gate voltage is thus clamped at a voltage VDD higher than the terminal of

the lowest terminal voltage.

4.14.4 Reset-Opamp Technique

Another technique for designing low-voltage switched-capacitor circuits is based

on reset-opamp low-voltage SC integrators which is described next. The reader may

recall that in the switched opamp technique, the integration is performed in one
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phase and in the other phase the opamp is switched off. This reduces the operating

speed of the resulting SC filter due to the transients introduced by the required

power up/down of the opamp. In the technique, we consider next, the opamp is not

switched off and is always in linear operation. This is called the reset-opamp
technique [4.86] since the opamp output is reset during one clock phase.

The reset-opamp technique is based on the offset compensation scheme presented

earlier due to Gregorian (see Fig. 4.45a). Consider the cascaded SC integrators shown

in Fig. 4.55a. In Phaseф1, the feedback loop of the opamp is closed using the switch

SA (i.e., opamp output voltage is reset to ground) and the switch SB opened so as to

preserve the charge on the integrating capacitor. The capacitorC1 acquires the charge

C1(Vin � VA). In the phaseф2, the output of the previous stage is reset to VA thereby

discharging C1 into the virtual ground of the opamp at the second stage. Also, since

the integrating capacitor C2 is reconnected back into the feedback branch, it absorbs

the charge of C1. The resulting Vout is sampled by the input capacitor of the next

stage. Thus a noninverting integrator of a half-cycle delay is realized.

The circuit, in practice, has some problems when the feedback switch is closed.

Usually NMOS devices are used for SA and SB, since they can be turned on easily.

Assuming that at the end of ф2 ¼ 1, the output voltage is VDD, at the beginning of

phaseф1, the closure of SAwill pull Vout to ground thereby pulling the floating node

B to �Vdd by C2. As a result, the source–substrate junction will be forward-biased

with conduction leading to a loss of charge from C2 to the substrate. One method of

overcoming this problem is to use a PMOS switch in place of NMOS switch so that

the source substrate junction will be reverse-biased thus not causing the loss of

charge as shown in Fig. 4.55b. A new situation arises since the PMOS switch needs a
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Fig. 4.55 (a) Reset-opamp SC integrator, (b) low-voltage SC integrator with MOS switches, and

(c) level-shifted clock generator (Adapted from Keskin et al. [4.86] # IEEE 2002)
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negative clock voltage for conduction. This can be solved by using a level-shifted

clock generator as shown in Fig. 4.55c based on the Nakagome et al. clock booster

stage [4.93] (which was considered earlier in Fig. 4.53).

4.14.5 BIOC (Biased Inverting Opamp Configuration)
Based SC Filters

Low voltage analog circuit design based on biased inverting opamp configuration

(BIOC) has been suggested by Karthikeyan et al.[4.149]. This technique is superior

to switched opamp technique since no critical switches for processing analog

signals are needed. Furthermore, the need for high common mode input range

opamp is avoided.

The basic concept is illustrated in Fig. 4.56a using a current source and (b) using

a resistor. Simple circuit analysis shows that

Vo ¼ Vx 1þ Rf

Req

� �
� Rf

1

R
V1 þ 1

R
V2 þ 1

R
V3 þ::::þ 1

R
Vn

� �
(4.105)

where Req ¼ R1//R2//. . .//Rn. For maximum output swing, input/output quiescent

voltage is set at VDD/2 and as such vx is required to be set to VDD/2. Considering a

PMOS differential amplifier for the opamp, due to the limited common mode input

range, supply voltage is required to be greater than 2ðVDssat þ Vtp



 

Þ. As such, the
circuit cannot operate at 1-V supply voltage, if Vtp



 

>0:4V:To reduce the supply

voltage, the opamp input common mode voltage Vx has to be biased a voltage close

to ground independent of input and output quiescent voltage. This can be achieved

by choosing IB such that

IB ¼ VDD

2
� Vx

� �
1

Rf
þ 1

Req

� �
(4.106)

The current source IB can be realized by a NMOS transistor. Hence Vx must be

greater than VDSsat and hence the minimum supply voltage for the new circuit is

VDSsat + 2VSDsat + │Vtp│. Note that in the case of the NMOS input differential

amplifier, a PMOS current source is connected between the virtual ground and

positive supply voltage. In place of the current source, a resistor can be used as well

and realized using a MOSFET operating in the triode region with a value given by

RB ¼ vx
VDD

2
� vx

 !
Rf ==Req

� �

The performance of both circuits at high frequencies is different since of the finite

resistance of the current source. A circuit for generating IB is shown in Fig. 4.56c
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which can track with variations in resistor values. The feedback loop around the

opamp ensures that drain current ofM1 is Vx/R3. Assuming all matched transistors,

IB ¼ Vref R2

R1 þR2ð ÞR3

(4.107)

For fully differential amplifiers, the input common mode voltage can be sensed

by using resistors R and compared with Vx using a single-ended differential

amplifier. Due to the feedback loop, opamp input common mode voltage is set at

Vx and the biasing current set according to R1, Rf, and the input and output common

mode voltages. The fully differential opamp and the CMFB circuit are presented in

Fig. 4.56d, e. The opamp is a two-stage design with a folded cascade input stage, a

common source output stage, and a continuous time CMFB. Two resistors of value

2R sense the common mode voltage and produce a current i1 which is compared

with a reference current i2. Note that i2 is set by VDD/2 and resistor R. The difference
between these currents is converted into a voltage CMFB by transistors M11, M12,

and M13. The control voltage is then used to adjust the VGS of M3 and M4 such that

the output common mode voltage is set to VDD/2.

Huang and Lee [4.150] have described a continuous time filter with automatic

tuning based on this technique. The Akerberg–Mossberg biquad using the BIOC

technique is presented in Fig. 4.57a which is a modified version of the original AM

biquad of Fig. 2.19. Note that CB is omitted and a resistor is added in parallel with

CA of the first integrator to vary the Q factor. The Q can be tuned by adjusting the

value of CB only for a given value of CA. Note, however, that Q and oo cannot be

tuned independently. The switches used in the PCA for implementing CA and CB

need to handle low voltages only. The parasitic resistance of the switches together

with the feedback capacitor introduces parasitic zeroes which need to be placed at a

higher frequency than oo by properly choosing transistor widths. Large transistor

widths lead to large parasitic capacitances at the opamp inputs.

The authors have proposed a tuning system (shown in Fig. 4.57b) for frequency

tuning and Q tuning. It consists of an oscillator, a reference filter, two binary

counters (m-counter and f-counter) and two analog comparators. The oscillator is

similar to the AM biquad of Fig. 4.57a with CB omitted. By tuning the frequency of

the oscillator oo, the filter pole frequency can be tuned. fosc is measured by the

m-counter which is controlled by the reference clock signal fclk. The value of

fm-counter is latched at the end of each clock period of Tclk and compared with the

digital word using a digital comparator. When the value of the m-counter is less
(greater) than Bf, evidently fosc is lower (greater) than the desired value. Accord-

ingly, the f-counter decrements (increments) all the PCA control words. When the

value of the m-counter equals Bf, there will be no change of an f-counter. It can be

seen that oo ¼ 2pBf fclk. The clock signal should have a relatively long period

together with a long m-counter to minimize the errors.

The frequency tuning accuracy depends on a good match between fosc and the

center frequency of the filter oo. Simulations show that fosc is always smaller than fo
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by an error of 2–5% due to different loading effects of opamps in the filter and

oscillator.

The Q-tuning is carried out after frequency tuning. The oscillator output is

attenuated by G (¼1/Q) and fed to the reference filter. The magnitude of the BP

output of the reference filter is compared with the magnitude of the input and then

adjusts CB until the magnitudes are equal. The authors do not use peak detectors but

instead use latched comparators. The quadrature phase signal is used as the latch

signal for the latched comparator. The output of the latched comparator is fed to the

Q counter which is incremented or decremented by 1 if Vbp is higher than VI.

The updating rate of the Q counter is determined by the external clock signal fc. The
tuning range of the Q factor depends on CB and oo since Q ¼ 1

oo C RB
.

The 1-V opamp is presented in Fig. 4.57c based on a two-stage architecture. The

low voltage current mirror formed byM3,M4,M5,M6 is used together with a PMOS

differential pair to form the first stage. The second stage is a NMOS common source

amplifier.

The latched comparator shown in Fig. 4.57d works in current mode. The wide

input signal swing is achieved by connecting inputs to resistors that convert voltage

into current to flow into the low impedance node A.
This is compared with the reference current i2. Note that i1 and i2 will be equal if

Vi and Vbp have the same amplitude. Otherwise, i1 and will be different and a logic

signal is produced at the output after the latch signal goes high.

4.15 Noise in SC Filters

SC filters use switches and opamps that contribute to the noise. It is necessary to

evaluate the contribution of these various noise sources to the output of the SC

filters so that the dynamic range can be estimated [4.97].

A switch in a SC filter using a MOS transistor operating in the triode region can

be modeled as shown in Fig. 4.58a by a noiseless resistance Ron together with a

Johnson noise source in series with the resistance whose power spectral density

(PSD) is given by

Svt ðf Þ ¼ 4kT Ron ðV2 =HzÞ (4.108)

where k ¼ 1.38 � 10�23 J/K is Boltzmann’s constant and T is the absolute temper-

ature of the device in degrees Kelvin. The mean value of the thermal noise is zero.

The PSD is considered to be a one-sided distribution.

For a MOS transistor operating in strong inversion and in the active region,

the thermal noise can be modeled by a current source in parallel with the channel.

The PSD is approximately given by

Sit ðf Þ ¼ 8

3
kT gm ðA2 =HzÞ (4.109)
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where gm is the transconductance of the device. On the other hand, another source

of noise known as flicker noise or 1/f noise exists which is modeled by a series

voltage source connected to the gate of the MOS transistor whose PSD can be

written as

Svf ðf Þ ¼ K

WLf
ðV2 =HzÞ (4.110)

where W and L are the channel width and channel length, respectively; f is

frequency; and K is a process-dependent parameter. Note that this noise is dominant

at low frequencies and hence not white. The 1/f noise can be reduced by using large
input devices or by using PMOS transistors in place of NMOS transistors as input

devices. Other techniques such as correlated double-sampling can be used to reduce

this noise.

We next consider a simple single-stage opamp shown in Fig. 4.58b in which the

noise current of transistor Q5 does not contribute to the input referred noise since it

is a common mode signal. On the other hand, the noise current of Q1 and Q2 is

described by (4.109) and can be converted into an input referred noise voltage

source with PSD of 8kT
3 gm

. Similarly, the noise current of the diode-connected load

transistor Q3 can be referred to the input as a voltage source of
8kT gm3
3 g2

m1

. The noise

current ofQ4 can be referred to the other input of the differential amplifier. Thus the

total noise PSD of the differential amplifier can be written as

–

+

Vn,eq

CL

C2

en
2 Ron

Vin+ Vin-

Vb In5

In3

In1 In2

In4

Q5

Q1 Q2

Q4Q3
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Vout

c

a b

C1 ϕ2

ϕ1

ϕ1ϕ1

ϕ2

C2

S4
S1

S2

S3

CL

Vout

d

–

+

Fig. 4.58 (a) Noise model of a switch, (b) single-stage CMOS opamp showing various noise

sources, (c) typical opamp circuit with capacitive feedback and load capacitance, and (d) SC

integrator followed by a switched-capacitor (Adapted from [4.97] # IEEE 2005)

366 4 Switched Capacitor Filters



Svt ðf Þ ¼ 16kT

3 gm1
1þ gm3

gm1

� �
(4.111)

Evidently, for low noise gm3 � gm1.
We next consider an opamp with capacitive feedback and capacitive loading.

Assuming a single-pole response for the opamp, the noise transfer function of the

circuit in Fig. 4.58c can be written as

Vo

Vn
¼ Go

1þ st
(4.112)

where t ¼ C3 C1 þC1 C2 þC2 C3

C2 Gm1
¼ Co

bGm1
, 1
Go

¼ b ¼ C2

C1 þC2
, Co ¼ C3 þ C1 C2

C1 þC2
.

The white noise given by (4.111) gets shaped from the frequency response given

in (4.112). Thus, the mean square value of the output noise can be computed as

�v2out ¼
Z1
0

Svtð f Þ Hð j2pf Þj j2 df ¼ 16kT

3 gm1

G2
0

4t
(4.113a)

From (4.112) and (4.113a), we have

�v2out ¼
4kT

3

1þ C1

C2

Co
¼ 4kT

3bCo
(4.113b)

It is thus evident that in the expression for the output noise, the effect of gm gets

cancelled.

Schreier et al. [4.97] derive an interesting result for the case of a SC following an

opamp-based continuous-time circuit as shown in Fig. 4.58d. The capacitor now

has to charge to the full value of the input signal during the sampling period when

the switch is ON. The charging process is exponential and typically is of the form

e-t/t. For achieving a settling error of less than ½ of a bit to realize N-bit perfor-
mance, the condition to be satisfied is

e�
1

2 f s t < 2� Nþ1ð Þ (4.114a)

Thus we have

f 3dB
f s

>
N þ 1ð Þln2

p
or

f 3dB
f s

>2:43 for N ¼ 10 (4.114b)

This is an impossible case. This can be explained by the reasoning that the noise

is white and extends up to frequencies much higher than the sampling frequency

and hence, the sampling process aliases this wide-band noise into pass-band and the

resulting noise is white. This is known as foldover noise. It is uniformly distributed

in the frequency band 0 to fs/2, thus the PSD becomes
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Snos ðf Þ ¼ �v2no
f s =2

¼ G2
o Sv
2t f s

(4.115)

Thus, the noise is increased by the factor 1/(2tfs) which is larger than the limit

given (4.114b). Thus for N ¼ 10, the noise PSD is enhanced by 7.6 or 8.8 dB.

Therefore sampled data circuits have inherently more noise than their continuous-

time counterparts.

Fischer [4.98] has presented an expression for evaluating the foldover noise. The

white noise of the switches is wide-band in nature and due to the sampling process,

the frequency-shifted side-bands are uncorrelated with each other. As such, they can

be added to compute the total output noise density. Thus, for �fs < f < fs, we have

�T ¼ �n þ
2BWn

f s

� �
� 1

� �
�sb (4.116a)

where BWn is the bandwidth of the white noise and �n is the spectral density of the

noise source spread uniformly over BWn. Evidently
2BWn

f s

� �
� 1

� �
is the number of

side-bands falling in the frequency range dc < f < fs. Recalling that �sb ¼ �n,
(4.116a) can be simplified as

�T 	 2 �n
BWn

f s

� �
V2 =Hz (4.116b)

Using the above models, we can derive the noise of SC filters. We consider the

SC integrator of Fig. 4.58d. In phase ’1, the equivalent circuit is as shown in

Fig. 4.59a which can be simplified as Fig. 4.59b wherein the ON resistances of both

the switches S1 and S3 have been represented as 2RON. The PSD of the noise voltage

vc1 across C1 can be found to be

Sc1 ðf Þ ¼ 2 Svt ðf Þ
1þ 2pf toð Þ2 ¼

8kT RON

1þ 2pf toð Þ2 (4.117a)

where to ¼ 2RONC1. The total power (mean-squared value) of vc1(t) can be found

by integrating Sc1( f) for frequencies from dc to infinity yielding once again the

important relationship

�v2c1 ¼
kT

C1

(4.117b)

Thus, the noise of a switched capacitor is not dependent on the resistance of the

switches and is only dependent on the value of the capacitance. In Phase 2, the

equivalent circuit is as shown in Fig. 4.59c taking into account the opamp noise as

well. We once again find vc1 approximately as
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Vc1 ðsÞ ¼ Vn ðsÞ � Vno ðsÞ
1þ st

(4.118a)

where

t ¼ C1 2RON þ 1

gm1

� �
(4.118b)

Following in a similar manner as before, the mean-square value of the noise

voltage on C1 can be estimated from (4.118) as

�v2c1;sw ¼ Sn ð0Þ
4t

¼ 8kT RON

4 2RON þ 1

gm1

� �
C1

¼ kT

C1

1

1þ 1
x

 !
(4.119a)

where x ¼ 2RONgm1. In a similar manner, the noise voltage on C1 due to opamp

noise can be found as

a

Vn1

C1

Vn3

RON1 RON3

b

C1

Vn

2RON

c

C1

C2

Vn

2RON

+ vc1 –

RL

Vout
v

Vno

gm1v

+

–

Fig. 4.59 (a) Noise equivalent circuit in Phase 1, (b) simplification of (a), and (c) noise equivalent

circuit in Phase 2 using opamp model (Adapted from [4.97] # IEEE 2005)
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�v2c1;op ¼
Sno
4t

¼ ð16=3ÞðkT= gm1Þ
4 2RON þ 1

gm1

� �
C1

¼ 4

3

� �
kT

C1

1

1þ x

� �
(4.119b)

The total noise acquired by the capacitor C1 is thus the difference between that

accumulated in ’1 given by (4.117b) and the sum of the switch and opamp noise

contributions in Phase 2 given in (4.119a) and (4.119b). Since these are statistically

independent, the total noise is the sum of these quantities:

�v2c1 ¼
kT

C1

7
3
þ 2x

1þ x

� �
(4.120)

The ratio of switch noise power to the opamp noise power generated duringф2 is

3x/4. Thus for x � 1 (i.e., gm1 � 1/RON), the opamp noise dominates whereas for

x 
 1, the switch noise dominates.

For a given capacitor size, the gm1 needed for the opamp, to achieve minimum

noise can be estimated as

gm1 ¼
kT 7

3
þ 2x

� �
t �v2c1

(4.121)

which is minimized for x ¼ 0. The total noise in this case is 2:33kT
C1

. This may be seen

to be 17% larger tan for the case x 
 1 (i.e., 2kT/C1). The noise stored on C1 is

transferred to C2 and thus the noise voltage on C2 is given as

�D �vc2
2 ¼ kT C1

C2
2

7
3
þ 2x

1þ x

� �
(4.122)

The noise analysis of biquads is also of interest. Walscharts et al. [4.99] have

suggested a simple noise optimization procedure for the Fleischer–Laker SC

biquad. These biquads can be coupled or uncoupled, therefore the coupled biquads

are preferred since the noise optimization can be carried out efficiently since few

capacitors can be unswitched and hence noiseless. It is assumed that the noise is the

same in both phases of the clock. This assumption may lead to overestimation of

noise by 1–2 dB as pointed out by Walscharts et al. [4.99]. However, this assump-

tion simplifies matters considerably. In the method being considered, we associate a

noise source with each of the switched capacitors G, H, I, J, A, C, and F since other

unswitched capacitors do not contribute to the noise. The noise spectral density of

these noise sources is given by kT/Ci where Ci refers to each of these capacitors.

The aggregated noise of capacitors connecting to each inverting input of the opamp

is filtered by the biquad. Thus, noise transfer functions need to be derived for the

two aggregated sources. The total noise can be found as
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v2n ¼
4kT:2A2 ðCþ Gþ HÞ

f s

ðf H
f L

1

DðzÞDðz�1Þ





z¼ej2pf = f s

:df

þ 4kT:2D2 ðAþ Fþ I þ JÞ
f s

ðf H
f L

ð1� zÞð1� z�1Þ
DðzÞDðz�1Þ






z¼ej2pf = f s

:df (4.123a)

where

DðzÞ ¼ DðBþ FÞ þ ðACþ AE� DF� 2BDÞ z�1 þðBD� AEÞ z�2 (4.123b)

Note that the squaredmagnitudes of the noise transfer functions are used in (4.123a).

The transformations suggested by Fleischer and Laker for combining switched

capacitors into unswitched capacitors such as when G ¼ H as a single unswitched

capacitor Lwill reduce noise associated with switches. Tradeoff is possible between

area and noise. This can be appreciated by noting that the area and noise of an

arbitrary SC filter having n integrators can be expressed as follows.

Area ¼ k1 C1 þ k2 C2 þ k3 C3 ::::þ kn Cn (4.124a)

Noise ¼ l1
C1

þ l2
C2

þ l3
C3

::::::þ ln
Cn

(4.124b)

where k1,k2, . . ., kn and l1,l2, . . ., ln are constants. The optimum distribution of chip

area for achieving low noise can be achieved by choosing

k1 C2
1

l1
¼ k2 C2

2

l2
¼ k3 C2

3

l3
¼ ::: ¼ kn C2

n

ln
(4.124c)

Fischer [4.98] has suggested an approximate approach to obtain noise using

SPICE. In this method illustrated for the SC biquad of Fig. 4.60b, the noise

equivalent can be derived as shown in Fig. 4.60c. Note that switched capacitors

Ci are replaced by resistors of value T/Ci. The foldover noise of the opamp is

represented by an additional output denoted as switched output So whereas the

continuous output Co is connected to the paths that are not switched (see Fig. 4.60a).

Both the un-sampled 1/f noise and white noise are treated as separate sources

using the voltages v1/f and vn1. The switched output is connected to all the

switched capacitors connected to outputs of the opamps. To model the nonin-

verting integrator, a VCVS of gain �1 can be used. The 1/f noise source is

simulated using a MOSFET noise. The reader is referred to [4.98] for a complete

SPICE model for noise estimation. The foldover noise is described by the

switched output where k ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
BWn

f s
� 1

q
where BWn is the noise bandwidth of

the opamp.
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Example 4.5 We analyze the noise of the SC high-pass notch filter of Fig. 4.60b.

The zero frequency is at 1 KHz and sampling frequency is 8 KHz. The pole

frequency is 2 KHz and pole-Q is 3. First, the analog transfer function can be

written easily as

a

–

+
Co

So

Co

So

Vf11 kVN11

VN1

V1/f

in

in

b

Vo

L

–

+

–

+

B
G

C

D

A

F

Vi

c

Co

So

IN

Co

So

IN Vo

RF

RC

RA

B
Vi

RG

D

L

−V1

V1

Fig. 4.60 (a) Frequency domain noise simulation model of opamp, (b) SC biquad, and (c) noise

equivalent circuit for use in SPICE (Adapted from [4.98] # IEEE 1982)
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HðsÞ ¼ s2 þð2p� 1; 000Þ2
s2 þþsð2px2; 000=3Þ þ ð2p� 2; 000Þ2

Bilinear transformation is used, thus the prewarping needs to be carried out using

the mapping rule O ¼ 2
T tan oT

2

� � ¼ 6630:38rads=s.
Thus, substituting for s, s

O we obtain the prewarped analog transfer function as

HðsÞ ¼ s2 þð6630:38Þ2
s2 þþsð4190:47Þ þ 158040816:32

Substituting the bilinear s ! z transformation s ¼ 2
T

1�z�1

1þz�1

� �
and simplifying, we

obtain the z-domain transfer function

HðzÞ ¼ 0:86446 � z�1 ð1:222146Þ þ 0:86446 z�2

1:386448þ z�1 ð0:564617Þ þ z�2

Identifying with the Fleisher–Laker biquad T-type transfer function in

(4.15a), we obtain the various capacitor values as I ¼ J ¼ 0.86446, H ¼ 0,

E ¼ 0, A ¼ B ¼ D ¼ 1, G ¼ 0.506774, F ¼ 0.386448, and C ¼ 2.951065.

Since I ¼ J, a single unswitched-capacitor is used. Next considering the

SPICE equivalent, the resistances corresponding to capacitance Ci can be

obtained as T
Ci

where T ¼1/8,000. Thus, resistances corresponding to A, C, G,
F can be obtained. The capacitor values I, B, D are the same as above.

Considering the opamp bandwidth for instance as 2 MHz, the factor k can be

seen to be 22.3. The input current noise is ignored. The WINSPICE code is as

follows.

* SC High-pass Notch filter noise analysis

R1 1 2 24665.8K

R3 2 7 4235.7K

C1 2 3 10pf

C2 6 7 10pf

R2 5 6 12500K

R4 6 7 32345.8K

C3 1 6 8.6446pf

E1 0 5 3 0 1

Xblk1 2 3 4 noisyopamp2out

xblk2 6 7 8 noisyopamp2out

.subckt noisyopamp2out ninp cont switched

V1 58 0 dc 0.1

V2 60 0 dc 0.1

D1 58 59 DIODE

R30 59 0 726.4

D2 60 61 DIODE
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R31 61 0 726.4

E2 9 0 59 61 1

E3 cont 0 9 ninp 100000

V17 62 0 0

R32 62 0 73.6

E4 cont switched 62 0 22.3

.ends noisyopamp2out

vin 1 0 ac 0

.noise v(7) vin dec 10 0.5 100000 1

.MODEL DIODE D(AF¼1.0,IS¼0.001F, KF¼1.667E-9)

The noise spectrum and total integrated noise output results are as follows.

4.16 Effect of Finite Bandwidth of Opamp

on the Performance of SC Filters

The effect of finite bandwidth of the opamp on the performance of SC filters is

considered next. The analysis can be done for two cases: (a) using opamps with low

output impedance, and (b) using OTAs. The results are slightly different for both

these cases [4.100, 4.101, 4.102].
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4.16.1 Effect of Opamp Bandwidth on SC Filters
Using Opamps

Consider the SC integrator of Fig. 4.63a [4.101]. In Phase 2, since the opamp takes a

certain amount of time to respond to the changes in the circuit topology, the various

capacitors exchange charges instantaneously. The voltages at the input and output of

the opamp, assuming that the input is held constant during clock phase 2, are

vo ðtÞ � vo n� 1

2

� �
¼ C1 þ C2

C1

� �
V1 ðtÞ � V1 t� 1

2

� �þ� �
(4.125)

Thus, the output voltage is not continuous but jumps to the opposite direction

with respect to its final increment. Thereafter the opamp settles slowly and the

output reaches the final value as explained next. The equations describing

the behavior are:

C1

d V1 ðtÞ
dt

¼ C2

d

dt
Vo ðtÞ � V1 ðtÞð Þ (4.126a)

or alternatively

C1 þ C2

C1

� �
d V1 ðtÞ

dt
¼ d Vo ðtÞ

dt
(4.126b)

We also note that the single-pole model of the opamp

Vo

V1

¼ �B

s
(4.127a)

yields the relationship

d Vo

dt
¼ �BV1 ðtÞ (4.127b)

From (4.126b) and (4.127b), we have the solution

v1 ðnÞ ¼ v1 n� 1

2

� �þ
e� k1 (4.128a)

where

k1 ¼ BC1

C1 þ C2

� �
T

2
(4.128b)
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Substituting for v1(n) from (4.128a) in (4.125), we have

vo ðtÞ ¼ vo n� 1

2

� �
� C1 þ C2

C1

� �
ð1� e� k1Þ v1 n� 1

2

� �þ
(4.129)

In a similar manner, during phase ’1, we have

v1 n� 1

2

� ��
¼ e� k2 v1 n� 1ð Þ (4.130a)

where

k2 ¼ BT

2
(4.130b)

Also, we can obtain that

vo n� 1

2

� �
¼ vo n� 1ð Þ � ð1� e� k2Þ v1 n� 1ð Þ (4.131)

At time t ¼ (n � 1/2)T, the capacitor C1 is connected to the inverting input of

the opamp. The charge on C1 is instantaneously distributed between C1 and C2

according to

v1 n� 1

2

� �þ
¼ C2

C1 þC2

� �
v1 n� 1

2

� ��
þ C1

C1 þC2

� �
vin n� 1

2

� �
(4.132)

Using (4.130a), (4.131), and (4.132) in (4.129), we get

vo ðnÞ ¼ vo n� 1ð Þ � C1

C2

� �
ð1� e� k1Þ vin n� 1

2

� �
� ð1� e�ðk1 þ k2ÞÞ

� v1 ðn� 1Þ (4.133a)

Furthermore, using (4.130a) and (4.132) in (4.128a), we have

v1 ðnÞ ¼ C2

C1 þC2

� �
e�ðk1 þ k2ÞÞ v1 n� 1ð Þ þ C1

C1 þC2

� �
e� k1 vin

� n� 1

2

� �
(4.133b)

Assuming that the input is held constant during’2, we can substitute vin(n � 1/2)

¼ vin(n). Next, taking the z-transform of (4.133a) and (4.133b) and solving, we

obtain the transfer function of the integrator as
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Vo ðzÞ
Vi ðzÞ ¼

�C1

C2 ð1� z�1Þ

� 1� e� k1 þ e� k1
C2

C1 þC2

� �
z�1 1� e�ðk1 þ k2Þ

1� z�1 C2

C1 þC2

� �
e�ðk1 þ k2Þ

0
@

1
A

0
@

1
A

(4.134a)

Noting that e�ðk1 þ k2Þ � 1, (4.134a) can be simplified as

Vo ðzÞ
Vi ðzÞ ¼

�C1

C2 ð1� z�1Þ 1� e� k1 þ e� k1
C2

C1 þC2

� �
z�1

� �
(4.134b)

Similarly, the transfer function for a noninverting integrator of Fig. 4.61b can

also be derived. Note, however that, in this case, the voltage across C1 is applied to

the opamp inverting input during ’1. Thus, the discontinuity in v1(t) will occur
at t ¼ (n � 1)T. The resulting transfer function at the end of Phase ’2 can be

derived as

Vo ðzÞ
Vi ðzÞ ¼

C1 z�1

C2 ð1� z�1Þ 1� e� k1
C1

C1 þC2

� �
� C2

C1 þC2

� �
e�ðk1 þ k2Þ

� �
:

1þ C2

C1 þC2

e�ðk1 þ k2Þ z�1

1� z�1 C2

C1 þC2

� �
e�ðk1 þ k2Þ

0
@

1
A

0
@

1
A

(4.135a)
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Fig. 4.61 Stray-insensitive SC integrators: (a) inverting, and (b) noninverting (Adapted from

[4.102] # IEEE 1985)
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which can be approximated as

Vo ðzÞ
Vi ðzÞ ¼

C1 z�1

C2 ð1� z�1Þ 1� e� k1
C1

C1 þC2

� �� �
(4.135b)

The errors in the integrator transfer function can be approximated as

Hactual ¼ Hideal

1� mi ðoÞ � j yi ðoÞ (4.136)

where i stands for ith integrator. It can be easily shown that a two-integrator loop

consisting of one lossless and one lossy integrator exhibits a variation in pole-

frequency and pole-Q given by

Doo

o0

ffi 1

2
m1 ðooÞ þ m2 ðooÞð Þ (4.137a)

and

Qa ¼
Q

1þ Q y1 ðooÞ þ y2 ðooÞð Þ (4.137b)

4.16.2 Effect of Opamp Bandwidth on SC Filters Using OTAs

The difference between the previous case of using opamps and present case of using

OTAs [4.102] is that there is a feedforward path through the integrating capacitor to

the output of the OTA due to the high output impedance of the OTA. Furthermore,

the capacitive load connected to the output terminal of the OTA also affects the

transient response. Eqs. 4.133a and 4.133b get modified as

vo ðnÞ ¼ vo n� 1ð Þ � C1

C2

� �
1� C1 þC2

C1

� �
e� k3

� �

vin n� 1

2

� �
� v1 ðn� 1Þ (4.138a)

and

v1 ðnÞ ¼ e� k3 v1 n� 1ð Þ (4.138b)

where

k3 ¼ Gm C
CL2 ðCin þCÞ
� �

T
2
and CL2 ¼ C1 C2

C1 þC2
.

Note that in the case of a fixed capacitor C4 being connected to the output of the

OTA, (4.138a) becomes
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vo ðnÞ ¼ vo n� 1ð Þ � C1

C2

� �
1� 1þ C2

CL2

� �
C1 þC2

C1

� �� �
e� k3

� �

� vin n� 1

2

� �
� v1 ðn� 1Þ 1� C4

CL2
e� k3

� �
(4.138c)

The transfer function in the case of inverting and noninverting integrators can be

shown to be, respectively,

Vo ðzÞ
Vi ðzÞ ¼

�C1

C2 ð1� z�1Þ 1� C1 þC2

C1

� �
e� k3 þ e� k3

C2

C1

� �
z�1

� �
(4.139a)

and

Vo ðzÞ
Vi ðzÞ ¼

C1 z�1

C2 ð1� z�1Þ 1� e� k3
� �

(4.139b)

Interestingly, the phase error in the noninverting case can be seen from (4.139b)

to be zero.

Martin and Sedra [4.101] have estimated the pole-frequency deviation and

deviation in the transfer function due to finite bandwidth of the opamp for various

clock frequency to pole-frequency ratios. Their conclusion is that for a given

resonant frequency, use of as low a clock frequency as possible decreases the errors

due to the finite bandwidth of the opamps. They have also observed that the errors in

SC filters are far fewer than those in active RC filters.

We next consider design considerations for realizing SC filters that are not

sensitive to finite bandwidth of the opamps. SC biquads can be realized using

differential-output differential-input opamps. Several distinct variations are possi-

ble for the realization of biquads. There are four types of two-integrator loops

possible: (a) using one inverting integrator and one noninverting integrator,

(b) using two inverting integrators, (c) using two noninverting integrators, and (d)

using two differencing-input integrators. The negative feedback needed in the two-

integrator loop is realized in cases (b) and (c) by connecting the appropriate output

of the opamp since both normal and inverted outputs are available.

The arrangement of (d) uses SC integrators as shown in Fig. 4.62a in which

input-differencing is employed for realizing the integrator. A complete biquad

using this technique is shown in Fig. 4.62b. In the circuit of Fig. 4.62a, in both

phases, the input and delayed input are integrated thus reducing the input capaci-

tance to C1/2 in place of C1. Thus, the total capacitance is reduced thereby reducing

the loading on the previous input stage. The charging time of the input capacitor is

also reduced. Moreover, the error due to the finite gain of the opamp is also reduced.

The capacitor spread, on the other hand, increases. The errors of this integrator have

been shown to be as the average of the amplitude and phase errors of the inverting

and noninverting integrators.
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Fig. 4.62 (a) Differencing-input integrator, and (b) biquad based on the integrator of (a) (Adapted

from [4.102] # IEEE 1985)
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Interestingly however, the effect of the finite bandwidth of the opamp is different

for these circuits. As has been shown earlier, the inverting integrator has amplitude

and phase errors whereas the noninverting integrator has only amplitude error.

An analysis of the pole-frequency and pole-Q errors for the various circuits by

Ribner and Copeland [4.102] shows that the differencing-input filter has the lowest

pole-frequency error and the second lowest gain error whereas the filter based on

inverting integrators has the opposite performance. The biquads using noninverting

integrators has the worst performance followed by the slightly better inverting/

noninverting biquad.

4.17 Charge Injection in MOS Switches

One of the fundamental factors that limits the accuracy of the SC circuits is the

charge injection occurring when the MOS FET turns off [4.103, 4.104, 4.105, 4.106,

4.107, 4.108, 4.109, 4.110, 4.111, 4.112]. A finite amount of mobile carriers are

stored in the channel when theMOS transistor conducts.When theMOS transistor is

turned off, this channel charge exits either through the source/drain or the substrate

electrodes. The charge transferred to the data node during the switch turning-off

period superimposes an error component on the signal voltage. In addition to the

channel charge, the charge associated with the feedthrough effect of the gate-to-

diffusion overlap capacitance also increases the error voltage after the switch turns

off. The error voltage could be in the range of a fewmillivolts. As an illustration for a

typical capacitor of size 8 � 8 mm and a sampling capacitor of 5 pF, a gate overdrive

of 5 V introduces an error on the order of 20 mV.

A simple approach to reduce the effect of charge injection is to use large external

sampling capacitors. This, however, leads to large circuit complexity and reduces

the speed of operation of the SC filters. First-order cancellation of the switch charge

injection is possible using dummy switch-based compensation technique [4.103,

4.104, 4.105]. This is shown in Fig. 4.63a. The charge cancelling device is a dummy

device with its source shorted to drain to prevent dc current flow and with one half

the channel area of the actual switch. The voltage applied to the gate of the dummy

transistor is the complement of the voltage applied to the actual switch.

Note, however, that complete compensation is not possible since the complete

charge of Q2 flows through the sampling capacitor C, whereas a portion of the

charge of Q1 only flows through C. This fraction is dependent on gate voltage

waveform as well as source resistance. Improved techniques use another dummy

capacitor as shown in Fig. 4.63b so that there is symmetry in the circuit. This

modification also may not be adequate unless the source impedance, clock fre-

quency, and fall time are well controlled. An attractive solution could be the use of a

fully differential configuration that needs matching capacitors as shown in

Fig. 4.63c and its improved version shown in Fig. 4.63d which reduces the effect

of source impedances as well. Alternative techniques of mitigating charge injection

have been considered before that use delayed clocks appropriately (see Fig. 4.48c).
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There are three types of charge injection (a) due to the channel charges in strong

inversion, (b) due to channel charges in weak inversion, and (c) the channel

charges due to gate-to-diffusion overlap capacitance. These are considered next

for a switch and a capacitor in Fig. 4.64a. In Fig. 4.64b–d we also present the

waveforms at the gate, at the drain, and the current id through the holding capacitor

CH. The error voltage DVout is caused by the three components and shown as Qa,

Qb, and Qc. The waveform has three phases; from t1 to t2 (the gate voltage is larger
than the threshold voltage (strong inversion)), from t2 to t3 (the gate voltage is

lower than the threshold voltage (weak inversion)). During the latter period, the

conducting channel does not exist. During this period, the overlap capacitance

also comes into the picture. At t1, the transistor begins to turn off. The reader is

referred to [4.109] for a detailed description of a quantitative model explaining

charge injection.

4.18 SC Sigma-Delta Modulators

4.18.1 First-Order and Second-Order Modulators

The block diagram of a single-loop sigma-delta modulator (also known as

oversampled A/D converter) [4.113, 4.114] is shown in Fig. 4.65a which uses a

differential integrator, a comparator, a latch, and a 1-bit D/A converter in a negative

feedback loop. The output stream of the latch vo(n) contains information about the

a

c d
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C

Q1 Q2
Vin

VG VG
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Cd
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VG VG

Q1
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VG
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VG VG
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Vd

Vcm

VG VG
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Fig. 4.63 Switch channel charge cancellation techniques: (a) using dummy switch, (b) using

dummy switch and dummy capacitor, (c) using differential scheme, and (d) using dummy

capacitors (Adapted from [4.103] # IEEE 1982)
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input signal. A model of Fig. 4.65a is presented in Fig. 4.65b, by representing

the quantization noise as an additive white-noise source.

Sigma-delta modulators can be implemented in two ways: (a) continuous-time

(CT) and (b) discrete-time (DT). The filters in the modulator will be realized

in CT sigma-delta modulators using OTA-C filters or active RC filters whereas in

DT sigma-delta modulators, the filters are realized using the SC technique. CT

sigma-delta modulators are sometimes preferred over discrete-time sigma-delta

Fig. 4.64 (a) MOS switch

and waveforms of (b) gate

voltage, (c) output voltage,

and (d) drain current

(Adapted from [4.109]

# IEEE 1996)
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modulators due to their lower power consumption and wide bandwidth performance

in the case where high resolution is required. However, DT sigma-delta modulators

are preferred for their easy implementation. Higher resolution can be obtained by

increasing the order of noise shaping. The matching required in DT sigma-delta

modulators is much less than that in CT modulators. Moreover, CT modulators are

sensitive to jitter and process variations. On the other hand, DT sigma-delta

modulators are preferred due to their robustness as the performance depends only

on dependence on capacitor ratios. Moreover, they can be reconfigurable by chang-

ing the sampling frequency. In this section, we consider discrete-time sigma-delta

modulators only.

Expressing the quantization noise arising out of representing the analog input

signal to the comparator as a 1-bit digital output + VREF or �VREF, as en, the output
of the sigma-delta modulator can be written as

Vo ðzÞ ¼ z�1 Vi ðzÞ þ ð1� z�1ÞEn ðzÞ (4.140)

Evidently, the output comprises the delayed input signal together with the first-

order high-pass filtered quantization noise of the 1-bit A/D converter. Thus, by low-

pass filtering the output stream vo(n) of the sigma-delta modulator, the quantization

noise at high frequencies can be filtered (noise spectrum can be shaped) thus

retaining only the base-band input signal. The quantization noise can be reduced

by using a very high sampling clock.

The main advantage of the first-order sigma-delta modulator is the non-existence

of linearity errors due to the use of a single-bit quantizer. However, there can be

gain and offset related errors. Note that there no need for a precision sample and

hold circuit at the input. Sometimes, the first-order sigma-delta modulator can be

unstable, making it lock into a mode that repeats a pattern in the output bit stream.

Consequently, the spectrum of the output bit stream contains tones. These tones or
spurs can be prevented by adding dither with the analog input so as to randomize

the input. However, this requires another signal source to generate the dither and,

moreover, the input dynamic range is lowered [4.115].

In view of the limitations of the first-order sigma-delta modulator, second-order

sigma-delta modulators are attractive. A second-order sigma-delta modulator

shown in Fig. 4.65c comprises two integrators in a negative feedback loop followed

by a comparator (which can be seen to be an extension of the first-order sigma-delta

modulator by adding an additional loop). The signal and noise transfer functions of

the sigma-delta modulator of Fig. 4.65c can be derived as

Vo ðzÞ ¼ z�1 Vi ðzÞ þ ð1� z�1Þ2 En ðzÞ (4.141)

thus showing that a second-order high-pass transfer function for noise shaping is

realized. The quantization noise in a second-order sigma-delta modulator is less

correlated with the input than in a first-order sigma-delta modulator [4.115].

Several alternative architectures are proposed for realizing higher resolution

than possible with second-order sigma-delta modulators. These are considered next.
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Based on simulations [4.118], it has been pointed out for the second-order sigma-

delta modulator of Fig. 4.65c, that the integrator output can exceed the analog input

range D/2 several times, where the two levels of the quantizer are considered

as � D/2. Hence, a modified structure shown in Fig. 4.65d is suggested. Note that

each integrator is preceded by an attenuation of ½ and furthermore, the location of

the delay block in each integrator is also changed. The transfer function of this

sigma-delta modulator is same as that given in (4.137). It has been observed by

simulation that the integrator output signal range is slightly larger than the full-scale

input range. Note that in Fig. 4.65d, the multiplier ½ preceding the second integrator

has no real value since the comparator is only interested in the sign of the signal.

It is possible to extend the second-order sigma-delta modulator to higher order

by adding more feedback loops but it has been found that these systems

are prone to instability [4.116]. Hence, alternative structures are explored which

are described later.

The spectrum of the quantization noise of an Lth-order sigma-delta modulator

having a noise transfer function of the type (1 � z�1)L can be obtained [4.117] by

substituting z ¼ ejoT as

Sn ðoTÞ ¼ d 2 sin
oT
2

� �� �2L
(4.142a)

where d is a variable related to component mismatch or finite amplifier gain, and so

on. The resolution of the converter can be estimated by first integrating the noise

PSD given in (4.142a) from p/(RT) to 0 to yield

s2d
T

p

ðp=ðRTÞ
0

2 sin
oT
2

� �� �2L
do ¼ p2L

2Lþ 1

1

R

� �2Lþ1

s2d (4.142b)

where R is the oversampling ratio and sd is the standard deviation of d. The
resolution in bits can be written from (4.142b) in general, using a Q-bit quantizer
in place of a 1-bit quantizer, as

bits ¼ Lþ 1

2

� �
log2 R� log2

pLffiffiffiffiffiffiffiffiffiffiffiffiffiffi
2Lþ 1

p
� �

þ Q� 1 (4.143a)

where Q is the number of quantizer bits. Thus every doubling of sampling fre-

quency increases the resolution by 15 dB for a second-order sigma-delta modulator

(see (4.142b)). Note also that higher resolution can be obtained for a given over-

sampling ratio by using high-order sigma-delta modulator (large L) or using a

multibit quantizer (large Q).
The dynamic range of the sigma-delta modulator can be written from (4.142b) as

DR ¼ 3

2

2Lþ 1

p2L
M2Lþ1 ð2B �1Þ2 (4.143b)
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A SC implementation of the sigma-delta modulator [4.118] is shown in

Fig. 4.66a. Note that this uses fully differential implementation in view of its

advantages: high power supply rejection, reduced clock feedthrough, and switch

charge injection errors, improved linearity, and increased dynamic range. The

clocking waveforms are as shown in Fig. 4.66b. During Phase 1, switches S1 and
S3 are closed and switches S2 and S4 are open. Thus, the input is sampled on

capacitors C1. In Phase 2, switches S2 and S4 are closed and switches S1 and S3
are open. Thus the output signal is subtracted from the input available on capacitors

C1 and integration is performed. Thus a half-cycle is available for the purpose of

finding difference and integration.

Note that the signal-dependent charge injection is suppressed [4.118] by using

the clocking arrangement of Fig. 4.66b in which the switches S3 and S4 are opened
slightly before S1 and S2, respectively. Once S3 or S4 is opened, C1 is floating and

hence opening S1 or S3 during the interval when both S3 and S4 are open will not to a

b S1

S2

S3

S4

a

In

S3

S4

C1

S2

S4

S2
S2

C1

S1

- +

+ -

- +

+ -

S3
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S1

S3
C2 C2

S3

S1

C2 C2

S1

S4

+VREF

+VREF

-VREF

-VREF

C1

S4

S2

Fig. 4.66 (a) SC implementation of a second-order sigma-delta modulator, and (b) clocking

waveforms (Adapted from [4.118] # IEEE 1988)
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first-order inject any charge into C1. The switches S3 and S4 do not have charge

injection since they are switched between ground and virtual ground. The clocks S1
and S3 are generated by delaying the clocks S2 and S4.

4.18.2 High-Order Sigma-Delta Modulators

Next we consider architectures of high-order sigma-delta modulators. A structure

known as MASH (multistage noise shaping) [4.119] (also known as triple first-

order cascade TFOC1) is presented in Fig. 4.67a which consists of three first-order

sigma-delta modulators in cascade. In this structure, the quantization noise of the

first first-order sigma-delta modulator is extracted by taking the difference between

the input and output of the comparator. This extracted quantization noise is fed to

the second first-order sigma-delta modulator and similarly, the extracted

quantization noise of the second first-order sigma-delta modulator is fed to the

third first-order sigma-delta modulator. The digital 1-bit output C2 of the second

first-order sigma-delta modulator is differentiated once and that of the third first-

order second-order C3 sigma-delta modulator is differentiated twice and both of

these are summed with the output of the first sigma-delta modulator C1 to obtain the

desired third-order noise shaping. Note that in Fig. 4.67a, we have

C1 ¼ X z�1 þ 1� z�1
� �

Q1 (4.144a)

C2 ¼ �Q1 z�1 þ 1� z�1
� �

Q2 (4.144b)

C3 ¼ �Q2 z�1 þ 1� z�1
� �

Q3 (4.144c)

and

Y ¼ C1 z
�2 þ z�1 1� z�1

� �
C2 þ 1� z�1

� �2
C3 ¼ X z�3 þ z�2 1� z�1

� �
Q1 � z�2 1� z�1

� �
Q1 þ z�1 1� z�1

� �2
Q2 � z�1 1� z�1

� �2
Q2 þ 1� z�1

� �3
Q3 ¼ X z�3 þ 1� z�1

� �3
Q3

(4.144d)

The computation of Y can be done digitally. Component matching as well as finite

opamp gain errors, however, degrade the cancellation, leaking the quantization noise of

the first and second stages to the output thus degrading the output SNR as shown later.

In another structure known as the triple first-order cascade (TFOC2) (4.69)

[4.120], shown in Fig. 4.67b, the input to the quantizer of the first first-order S-D
modulator is fed to the second stage and so on. Another structure known as

SOFOC1 (second-order first-order cascade), in which the quantization noise of a

second-order S-D modulator is fed to a first-order S-D modulator is shown in
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Fig. 4.67c [4.121]. The second-stage output is differentiated twice so that it

develops a cancellation signal component comparable to the noise of the first

stage and combined to form a third-order noise shaping. Note that the leakage

now is of second-order which is an improvement over the previous case where

leakage of both first-order and second-order exists. The disadvantage, however, is

that it overloads prematurely. Ribner [4.117] has proposed an alternative structure

shown in Fig. 4.67d in which the input to the quantizer of the second-order sigma-

delta modulator is fed as input to a first-order sigma-delta modulator. This circuit is

tolerant to capacitor mismatch errors. It may be noted that the structures of

Fig. 4.6b–d realize the same transfer function as in (4.144d).

The advantage of 2–1 architecture is that the quantization noise tones of the first

stage are largely suppressed by the second stage and the remaining quantization

noise is nearly white. It is also less sensitive to component mismatch than cascade

third-order modulators [4.122].

Brandt and Wooley [4.123] have used a 2–1 topology shown in Fig. 4.68a for

realizing a third-order sigma-delta modulator but using a multibit quantizer in the

first-order sigma-delta modulator. The advantage is that the first-stage second-

order noise is cancelled and the quantization noise of the second stage is

attenuated by third-order noise shaping. The quantization error of the second

stage comes from a multibit quantizer, thus the modulator dynamic range is

improved by 20 log (2N � 1) dB where N is the resolution of the multibit

quantizer. The DAC nonlinearity undergoes a second-order noise shaping. Note

that E1(z) and E2(z) are the quantization errors whereas ED(z) models the errors

resulting from the nonlinearity of the multibit D/A converter. The following

equations describe the structure.

Y1 ðzÞ ¼ z�1 XðzÞ þ ð1� z�1Þ2 E1 ðzÞ (4.145a)

Y2 ðzÞ ¼ z�1 ðE1 ðzÞ � ED ðzÞÞ þ ð1� z�1ÞE2 ðzÞ (4.145b)

YðzÞ ¼ z�1 Y1 ðzÞ � ð1� z�1Þ2 Y2 ðzÞ (4.145c)

or

YðzÞ ¼ z�2 XðzÞ þ z�1 ð1� z�1Þ2 ED ðzÞ � ð1� z�1Þ3 E2 ðzÞ (4.145d)

The large quantization noise of the second-order first stage will overload the

second stage. Hence the attenuation using a and b will be needed as shown in

Fig. 4.68a. Note that a and b can be equal. Thus, the output Y2(z) needs to be scaled
digitally by a�1 before the error cancellation logic. The complete SC structure is

shown in Fig. 4.68b. Note that in this structure, both integrators have delays in the

forward path as well as gain factors ½ yielding a transfer function 1
2

z�1

1�z�1

� �
. The

input to the second stage is the differential output of the second-stage opamp

effectively implementing a ¼ 0.25 and b ¼ 0.

390 4 Switched Capacitor Filters



a

–

+

+

+
1-bit Quantizer

Y1

N-bit Quantizer

–

U

1−z
−1

1

z
−1

-(1–z
−1

)
2

1−z
−1

z
−1

1−z
−1

z
−1

1-BIT

1-BITX

–

N-BIT

N-BIT

Y
β

α

E2

Y2

ED

b

Y1

Y2

C

C

2C

X

C

VREF+
VREF+VREF- VREF-

C
2C

C

C

C

S1

S1

S1

S1

S1

S1

S2

S2

S2

S2 S3

S3

S4

S4

S2

S2
S3

S3 S3

S3

S4

S4 S4

S4

DAC2

DAC2+

3-bit Quantizer

–

+

–

+

–

+

3-bit 
Flash 
ADC

3-Bit 
Differ-
ential 
DAC

2C 2C

C

Fig. 4.68 (a) Cascaded multibit sigma-delta modulator, and (b) SC implementation (Adapted

from [4.123] # IEEE 1991)

4.18 SC Sigma-Delta Modulators 391



Nam et al. [4.124] have suggested a sigma-delta modulator topology denoted as

reduced integrator swing range (RISR) topology. In this topology (shown in

Fig. 4.69a) note that U1 and V1 no longer depend on the input voltage:

Y ¼ X þ ð1� z�1ÞEN (4.146a)

U1 ¼ �ð1� z�1ÞEN (4.146b)

V1 ¼ � z�1 EN (4.146c)

W1 ¼ X � z�1 EN (4.146d)

By using multibit quantization, signal ranges of U1 and V1 can be reduced.

Smaller U1 avoids opamp slewing and savings in power enabling the use of a

single-stage opamp. Large full-scale input range can be used allowing an increase

in the circuit noise floor. Note that W1 can still be large, but since it precedes the

quantizer, it is not problematic. A second-order sigma-delta modulator using this

approach is presented in Fig. 4.69b.

The equations describing its behavior are as follows.

Y ¼ X þ ð1� z�1Þ2 EN (4.147a)

U1 ¼ �ð1� z�1Þ2 EN (4.147b)

V1 ¼ � z�1 ð1� z�1ÞEN (4.147c)

V2 ¼ � z�2 EN (4.147d)

W1 ¼ X þ z�1 ðz�1 �2ÞEN (4.147e)

Note that the output Y is composed of nondelayed X and the second-order

difference of the quantization error EN. The integrator inputs and outputs U1,V1,

and V2 are independent of the modulator input X thereby preserving the advantage

cited for the first-order modulator.

The RISR sigma-delta modulator maintains a very small integrator input and

output signals across the full modulator input range whereas other topologies show

a significant increase in the integrator signals at large input levels. Furthermore, also as

a function of the oversampling ratio, the same results hold good. A fourth-order sigma-

delta modulator based on RISR is presented in Fig. 4.69c. A SC implementation of

the first stage is as shown in Fig. 4.69d together with the switch timing waveforms.

Note that in order to improve the linearity of the D/A converter, rotational data-

weighted-averaging (DWA) technique is used. The 5-bit output of the A/D converter

is converted into analog using the capacitors Cs1j. The pulses driving S4Pj and S4Nj
are generated by gating the ф2 phase clock with the control signals generated by the

DWA logic.
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The first integrator in a sigma-delta modulator usually is the largest contributor

in the overall power consumption. Errors in the first stage are not filtered by the

loop. Hence the first integrator must be designed to meet the overall dynamic range

requirements. By reducing the sampling rate in the first stage, power consumption

can be decreased and the resulting loss in resolution can be recovered by increasing

the sampling rate in the succeeding stages. Hence multirate processing has been

suggested [4.125]. However, this needs additional hardware in the feedback path to

perform decimation. A block diagram of a multirate architecture is presented in

Fig. 4.70a which is a 2–1 cascade with the first stage operating at a lower sampling

rate than the second stage. In this architecture, the first stage operates at a sampling

frequency Fs1 and the second at the sampling rate Fs2 ¼ NFs1. An up-sampler is

introduced in the second stage to increase the sampling rate to NFs1. The output

streams of both stages are digitally combined and can either use decimation for the

second stream or interpolation for the first stream. The first option is presented in

Fig. 4.70a. The authors used a RISR topology and use 1.5-bit quantizers (three-level

DAC) to reduce the output swing of the first integrator. The complete implementa-

tion is as shown in Fig. 4.70b. The outputs Y1 and Y2 can be derived as

Y1 ðzÞ ¼ b1
a1

z�2 X1 ðzÞ þ m2 z�1 ð1� z�1ÞX1 ðzÞ þ ð1� z�1Þ2 E1 ðzÞ (4.148a)

Y2 ðzÞ ¼ b3
a3

z�1 HUps X2 ðzNÞ þ ð1� z�1ÞE2 ðzÞ (4.148b)

with

X2 ðzÞ ¼ Y1 ðzÞ � E1 ðzÞ
kq1

� c3
b3

Y1 ðzÞ

¼ b2 a1 Y1 ðzÞ � E1 ðzÞð Þ� c3
b3

Y1 ðzÞ (4.148c)

Note that the up-sampling filter is described by the digital transfer function

HUps ðzÞ ¼ 1þ :::þ z�Nþ1 (4.149)

and kq1, kq2 are the gains of the quantizers, E1(z), E2(z) are the quantization noises of
the first and second stages, and X1(z) and X2(z) are the input signals of the first and
second stages, respectively. For achieving second-order noise shaping in the first

stage and first-order noise shaping in the second stage, the following relationships

need to be met.

b2 a1 kq1 ¼ 1; a2 ¼ 2 b1 b2 and a3 kq2 ¼ 1 (4.150)
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After up-sampling the digital output of the first stage and processing both

streams in the cancellation filter, the output obtained is given as

Yout ðzÞ ¼ Hd1 ðzÞð1þ :::þ z�Nþ1Þ Y1 ðzNÞ þ Hd2 ðzÞ Y2 ðzÞ (4.151)

a

X

Y2

Y1
Ho

Digital Cancellation Filters

H N H

d

Fs2=NFs1

Fs1

Fs1

YTN Hu

X1

d1

1st order
Sigma-delta

2nd order
Sigma-delta

c3/b3

b

Fs2=NFs1

Fs1

–

–
SCI1

SCI3

+

–

+

+

+

–

Q1.5b

DAC1.5b

HUps Q1.5b

DAC1.5b

N↑

a1

m2

a2

a3

b3

b2
b1

Y1

Y2

X1

X2

DAC1.5b

z 
−1

1–z 
–1

z 
−1

1–z 
–1

z 
−1

1–z 
–1

Fig. 4.70 (a) Architecture of a multirate 2–1 cascade sigma-delta modulator with digital cancel-

lation filters, and (b) circuit implementation of (a) (Adapted from [4.125] # IEEE 2010)
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By choosing

Hd1 ðzÞ ¼ z�1 ðd0 ð1� zNÞ2 þ 1Þ (4.152a)

Hd2 ðzÞ ¼ d1 ð1� zNÞ2 (4.152b)

with

do ¼ c3
b3 b2 a1

� 1 and d1 ¼ a3
b3 b2 a1

(4.152c)

the final output of the cascade can be written as

Ytot ðzÞ ¼ HUps ðzÞ z�ðNþ1Þ b1
a1

z�N þm2 ð1� z�1ÞN
� �

X1 ðzÞ

þ d1 ð1� z�NÞ2 1� z�1
� �

E2 ðzÞ (4.153)

Evidently, perfect cancellation of E1(z) is realized.
In multibit sigma-delta modulators, the input to the integrator is small and hence

the linear settling of the opamp is dominant. The limitation of multibit modulators

is the increase in sampling delay in the outer feedback path.

Fourth-order cascade SC sigma-delta modulators can be derived based on a 2–2

architecture or 2-1-1 architecture [4.126], and are presented in Fig. 4.71a, b.

The outputs of both these modulators can be expressed as

Y2�2 ðzÞ ¼ XðzÞ z�4 þ d21 ð1� z�1Þ4 E2 ðzÞ (4.154a)

and

Y2�1�1 ðzÞ ¼ XðzÞ z�4 þ d23 ð1� z�1Þ4 E3 ðzÞ (4.154b)

under the conditions

H1 ðzÞ ¼ z�2;H2 ðzÞ ¼ ð1� z�1Þ2 for the architecture of Fig. 4.71a and H1ðzÞ
¼ z�1;H2 ðzÞ ¼ ð1� z�1Þ2;H3 ðzÞ ¼ z�1;H4 ðzÞ ¼ ð1� z�1Þ3 in the case of the

architecture of Fig. 4.71b. In addition, the following conditions need to be satisfied

for the analog and digital coefficients.

2–2 Modulator:

g01 ¼ g1; g
0
2 ¼ 2 g2 g01; g

0
4 ¼ 2 g4 g03;

d0 ¼ 1� g03
g1 g2 g3

; d1 ¼ g003
g1 g2 g3

(4.155a)
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For 2-1-1 modulator:

g01 ¼ g1; g
0
2 ¼ 2 g2 g01; g

0
4 ¼ g4 g003; d0 ¼ 1� g03

g1 g2 g3
; d1 ¼ g003

g1 g2 g3
;

d2 ¼ 1� g03
g1 g2 g3

� �
1� g04

g003 g4

� �
; d4 ¼ g004

g1 g2 g3 g4
(4.155b)

The authors have shown that the optimization of coefficients is possible for

realizing minimum quantization noise and to ensure that intermediate signal levels

do not overload the next modulator. Medeiro et al. [4.126] have also observed

that the 2–2 modulator is less sensitive to mismatches than the 2-1-1 modulator.

They have also extended the structures of Fig. 4.71 using multibit quantizers in

place of single-bit quantizers.

A second-order sigma-delta modulator using a resonator is presented in

Fig. 4.72a [4.127]. The resonator realizes in-band zeroes so that the quantization

noise can be suppressed and SNR can be improved. The authors also used tri-level

quantization which avoids the use of DWA. In addition, the RISR concept is used to

reduce the signal swing and suppress distortion caused by integrator nonlinearities.

The signal and noise transfer functions of this second-order sigma-delta

modulator of Fig. 4.72a can be derived as

NTF ¼ 1� 2 z�1 þð1þ rÞ z�2

1� ð2� kq cÞ z�1 þð1þ r þ kq ðd � cÞÞ z�2
(4.156a)

and

STF ¼ kq ð1� ð2� dÞ z�1 þð1þ r þ c� dÞ z�2Þ
1� ð2� kq cÞ z�1 þð1þ r þ kq ðd � cÞÞ z�2

(4.156b)

where c ¼ g1 a1; d ¼ g1 g2 a2; r ¼ g1 g2 b1 . Note that r is the loop gain of the

resonator and kq is the gain of the quantizer.

Fourth-order sigma-delta modulators can be derived based on 2–2 (RMASH2-2)

and 2-1-1 (RMASH 2-1-1) architecture as shown in Fig. 4.72b, c. The digital

transfer functions needed in the case of 2-1-1 architecture are as follows.

H1 ðzÞ ¼ 1� 2z�1 þð1þ rÞ z�2;

H2 ðzÞ ¼ ð1� z�1Þð1� 2 z�1 þð1þ rÞ z�2Þ (4.157)

The noise transfer function Y(z)/Q3(z) can be derived as

YðzÞ
Q3 ðzÞ

¼ d2 ð1� 2 z�1 þð1þ rÞ z�2Þ ð1� z�1Þ2 (4.158)
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Fig. 4.72 (a) Resonator-based second-order 1.5b SD modulator, (b) fourth-order RMASH archi-

tecture based on a 2-1-1 configuration, and (c) based on 2–2 configuration (Adapted from [4.127]

# IEEE 2008)
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where d2 ¼ 1/(g1g2g3g4). Note that SNR can be improved by tuning the parameters

d2, r, and Q3(z). With careful selection of the resonator loop gain r, the zeroes can
be placed near the edge of the signal band to suppress the quantization noise over

the desired signal band.

A high-order topology using a single quantizer has been proposed by Chao et al.

[4.128]. In this structure (shown in Fig. 4.73), the signal and noise transfer functions

can be realized independently. The feedforward coefficients A0, A1, . . ., AN and

feedback coefficients B0, B1, . . ., BN need to be appropriately chosen. The realized

signal and noise transfer functions are, respectively, as follows.

Hx ðzÞ ¼
PN
i¼0

Ai ðz� 1ÞN�i

z ðz� 1ÞN �PN
i¼1

Bi ðz� 1ÞN�i

� �
þPN

i¼0

Ai ðz� 1ÞN�i

(4.159a)

and

HE ðzÞ ¼
ðz� 1ÞN �PN

i¼1

Bi ðz� 1ÞN�i

z ðz� 1ÞN �PN
i¼1

Bi ðz� 1ÞN�i

� �
þPN

i¼0

Ai ðz� 1ÞN�i

(4.159b)
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Fig. 4.72 (continued)
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Stability requirements dictate that the realized poles are within the unit circle.

Absolute control over location of poles will allow optimization of the loop response

for maximum effective resolution. The limited input range of the quantizer places

further restriction on the design of the loop filter. A signal at the input of the

quantizer that exceeds the quantizer limits leads to an increase in quantization noise

│E(z)│. The excess noise is circulated through the loop and causes an even larger

signal to appear at the quantizer input, eventually causing instability. For a fourth-

order loop, through simulations Chao et al. [4.128] have observed that │HE(z)│ < 2

for │z│ ¼ 1 at high frequencies is a necessary condition for stable operation with

zero input. This condition is known as Lee’s rule.
The poles can be first computed in the s-domain, say for a Butterworth-type of

response and using bilinear transformation mapped to the z-domain so that the Ais

can be determined by setting all Bis to zero. The Bi coefficients can next be

determined to move the zeroes from z ¼ 1 away. The reader is referred to Chao

et al. [4.128] for more information.

Hamoui and Martin [4.129] have proposed a sigma-delta modulator architecture

presented in Fig. 4.74a. The realized noise transfer function will be of the form

NTF ¼ ð1� z�1ÞL�2 ð1� d z�1 þ z�2Þ (4.160)

+

–

∫ ∫ ∫ ∫

1-bit
ADC

Y(t)

+ AN

A2

A1

A0

BN

B1

B0

x(t)

Fig. 4.73 Nth order SDmodulator topology with feedforward and feedback coefficients (Adapted

from [4.128] # IEEE 1990)
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The result is a high-pass notch characteristic having a notch frequency fo given by

d ¼ 2 cosð2p f o = f sÞ (4.161)

Note that the signal transfer function (STF) realized is one. This configuration is

feasible for order of the modulator greater than three. The complex conjugate

transmission zeroes are realized by the last two-integrator loop. The a3, a4, and a5
values for orders L ¼ 3, 4, and 5 are, respectively, as follows.

L ¼ 3 : a3 ¼ dþ 1

L ¼ 4 : a3 ¼ 2 and 2z�1; a4 ¼ dþ 2

L ¼ 5 : a3 ¼ 5; a4 ¼ 5 and a5 ¼ dþ 3

It has been observed by Hamoui and Martin [4.129] that the capacitor spread

required is low for this architecture. Furthermore, the circuit enjoys low sensitivity

to modulator coefficients. The use of summer before the last integrator overcomes

the need for summer before the quantizer in other architectures, for example,

as shown in Fig. 4.74b. This architecture can realize modulators for L � 2 and

needs the following coefficient values.

b

Integ 3

DAC

Inte– –

QX

Integ Integ 4

Integ 2

Y
z–1 z–1

z–1 z–1 z–1

2-δ

bL
b4

b2b3

a

DAC

Integ 2

Integ 3

z–1 z–1 z–1 z–1 z–1

– –

2-δ

QX

Integ L Integ 4

Integ 1

Y

aL
a4

a3

Fig. 4.74 (a) Hamoui and Martin sigma-delta modulator architecture, and (b) conventional high-

order sigma-delta modulator architecture (Adapted from [4.129] # IEEE 2004)
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L ¼ 2 : b1 ¼ d� 1; b2 ¼ d

L ¼ 3 : b1 ¼ d2 � d� 1; b2 ¼ d2 � 1; b3 ¼ dþ 1

L ¼ 4 : b1 ¼ d3 � d2 � 2d� 1; b2 ¼ d3 � 2; b3 ¼ d2 þ d; b4 ¼ dþ 2

L ¼ 5 : b1 ¼ d4 � d3 � 3d2 þ 2dþ 1; b2 ¼ d4 � 3d2 þ 1; b3 ¼ d3 þ d2 � d;

b4 ¼ d2 þ 2dþ 2; b5 ¼ dþ 3

4.18.3 Practical Considerations in the Design
of Sigma-Delta Modulators

There can be several nonidealities in the actual SC implementation of the sigma-

delta modulator. These are briefly considered next.

4.18.3.1 Jitter in the Sampling Clock

There can be jitter in the sampling clock used in the sigma-delta modulator.

Sampling clock jitter causes nonuniform sampling and increases the total error

power in the quantizer output. The effect of this jitter can be estimated as follows

[4.118, 4.130, 4.131]. Considering a sine wave of amplitude A and frequency fs, the
error since of sampling of a signal x(t) at (t + d) instead of (t) is

xðtþ dÞ � xðtÞ ¼ 2p f s Ad cosð2p f s tÞ ¼ d
d

dx
xðtÞ (4.162)

The sampling uncertainty d in the clock edge can be considered as a random

process with standard deviation Dt yielding from (4.162) the power of this error

signal due to jitter as

Sd ¼ A2

2
2p f x Dtð Þ2 (4.163a)

The in-band error power can be estimated by noting that the decimation filter

following the sigma-delta modulator limits the noise at frequencies above this band.

Noting that the maximum A can be D/2 and denoting fx as B the bandwidth of the

signal, the in-band error power can be found as

SDt 	 D2

8

2pBDtð Þ2
M

(4.163b)

Since the clock jitter is assumed to be white, the total power of the error in the

decimation process is reduced by M, the oversampling ratio. Evidently, the noise
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power due to jitter is inversely proportional to the oversampling ratio and adds to

the quantization noise power. It is independent of the architecture of the sigma-delta

modulator [4.131].

The static nonidealities that need to be considered are the finite opamp gain and

capacitor matching.

4.18.3.2 Power Dissipation

The first integrator dominates the power dissipation since it is limited by the kT/C
noise and must settle to the accuracy of the overall modulator independent of the

oversampling ratio used [4.94].

The noise power within the base-band introduced by the first integrator is given by

SkT=c ¼ 4kT

MCs
(4.164a)

where Cs is the sampling capacitance. The factor 4 arises considering a fully

differential circuit and two paths through which noise is sampled in ф1 and ф2.

The dynamic range DR is expressed as

DR ¼ Ss
SkT=c

¼ V2
sw MCs

8kT
(4.164b)

The power dissipation of the SC integrator is

P ¼ Iamp VDD (4.165a)

where Iamp is the average amplifier current. The quiescent current of the opamp

must be sufficient so that the load capacitor can be charged to the worst case output

voltage within the integration period (half a clock period Ts). Thus, we have

Iamp ¼ CI DVout

Ts

2

(4.165b)

where DVout is the worst-case differential step change in the output voltage. Next,

we note that

DVout ¼ ðVsw þVref ÞCS

CI
(4.165c)

where Vsw is the input voltage. Using (4.165b) and (4.165c), and noting that Ts ¼ 1
f s¼ 1

M fN
with fs as the sampling frequency, M is the oversampling ratio and fN is the

Nyquist sampling rate, we obtain
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Iamp ¼ 2CS M f N ðVsw þVref Þ (4.165d)

Thus, the power dissipation can be written as

P ¼ 16kTðDRÞ f N
VDD ðVsw þVref Þ

V2
sw

(4.166a)

Assuming that Vsw and Vref are full rail signals, (4.166a) reduces to

P ¼ 32kTðDRÞ f N (4.166b)

It is important to note that the power dissipation is proportional to the dynamic

range and Nyquist sampling rate (i.e., bandwidth of the signal) and is independent

of the oversampling ratio.

4.18.3.3 Noise

SC sigma-delta modulators are affected by the thermal noise arising from the finite

switch on-resistance and thermal and 1/f noise of the OTA used to realize the SC

integrator during the sampling and integration phases.

Schreier et al. [4.97] have presented a procedure for noise estimation of sigma-

delta modulators. Consider the second-order SC sigma-delta modulator shown in

Fig. 4.75. There are five thermal noise sources due to the five SC branches. There

φ1

φ2v

φ2v′′

φ2

φ2

φ2 φ2

φ2

φ2

φ1

φ1

φ1

φ1

φ1

Cs1

Cs2

C11

C13

Ci1

C–

+

–

+ Q

C

+VREF–VREF

Vo

Fig. 4.75 Schematic of SC sigma-delta modulator using feedforward (Adapted from [4.97]

# IEEE 2005)
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are two opamps. The mean square value of the input referred noise of the first

integrator has already been derived in (4.120) and is reproduced for convenience:

v2n1 ¼
kT

Cs1

� �
7=3þ 2x

1þ x
(4.167a)

The noise at the output of the first integrator can be obtained from (4.113b)

taking into account the total capacitive load Co1 as

v2no1 ¼
4

3

kT

Co1
(4.167b)

where Co1 ¼ Cs2 þ Cf 2 ðCf1 þCf 3Þ
Cf 1 þCf2 þCf 3

. The noise voltages at the input and output of the

second integrator can be obtained in a similar manner. The noise contribution of

three SC branches at the input of the quantizer can be combined to yield the noise

power as

v2n3 ¼
2kT

Cf1
1þ Cf2

Cf1
þ Cf3

Cf1

� �
¼ 2kT

Cf1
1þ 2þ 1ð Þ ¼ 8kT

Cf1
(4.167c)

Next the noise transfer functions of these five noise sources to the output of the

modulator need to be estimated. These are, respectively, as follows.

NTFi1 ðzÞ ¼ 2 z�1 þ z�2;NTFo1 ðzÞ ¼ ð1� z�1Þð2� z�2Þ;
NTFi2 ðzÞ ¼ z�1 ð1� z�1Þ;NTF3 ðzÞ ¼ NTFo2 ðzÞ ¼ 2 ð1� z�1Þ2 (4.168)

The noise PSDs need to be multiplied by the respective squared magnitudes of

the noise transfer functions and integrated over the base-band to obtain the follow-

ing results.

N2
i1 ¼ v2ni1

5

M
� 4

p
sin

p
M

� �� �
(4.169a)

N2
o1 ¼ v2no1

14

M
þ 4

p
sin

p
M

� �
cos

p
M

� �
� 18

p
sin

p
M

� �� �
(4.169b)

N2
i2 ¼ v2ni2

2

M
� 2

p
sin

p
M

� �� �
(4.169c)

N2
3 ¼ ðv2no2 þ v2n3Þ

6

M
� 8

p
sin

p
M

� �
þ 2

p
sin

p
M

� �
cos

p
M

� �� �
(4.169d)
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For large M, the above equations can be simplified as

N2
i1 ¼

v2ni1
M

; N2
o1 ¼ v2no1

p2

3M3
; N2

i2 ¼ v2ni2
p2

3M3
; N2

3 ¼ ðv2no2 þ v2n3Þ
p4

5M5
(4.170)

It is important to reduce the noise of the first stage (kT/C noise) in a sigma-delta

modulator which may necessitate the use of large capacitances. The use of the large

oversampling ratio M also reduces the thermal noise. The SNR of the sigma-delta

modulator can be expressed as

SNR ¼ S

NC þNQ
(4.171)

where NC is the circuit noise and NQ is the quantization noise.

4.18.3.4 Bandwidth and Slew Rate of Opamp/OTA

The effects of finite bandwidth and slew rate are related to each other and may be

interpreted as nonlinear gain [4.130]. These lead to incomplete charge transfer.

During the integration period, the behavior of the integrator can be seen from the

equation:

vo ðtÞ ¼ vo ðn Ts � TsÞ þ aVs ð1� e�t=tÞ; 0< t<
Ts

2
(4.172a)

where Vs ¼ Vin(nTs � Ts/2), a is the integrator leakage (which accounts for opamp

finite gain), and t ¼ 1/(2pB) is the time constant of the integrator and B is the

bandwidth of the opamp. The slope of this curve reaches its maximum value when

t ¼ 0 and is

d

dt
vo ðtÞjmax ¼ a

Vs

t
(4.172b)

If the slew rate SR of the opamp is greater than the slope given in (4.172b), no

SR limitation appears. On the other hand, if the SR of the opamp is less than

the slope given by (4.172b), the opamp is slewing and hence, the first part of the

transient vo(t < to) is linear with slope SR. The following equations apply.

t 	 to; vo ðtÞ ¼ vo ðn Ts � tsÞ þ SRt (4.173a)

t> to; vo ðtÞ ¼ vo ðtoÞ þ ðaVs �SR toÞð1� e�ðt�toÞ=tÞ (4.173b)

The slew rate and bandwidth limitations produce harmonic distortion reducing

the total SDNR (signal-to-distortion noise ratio) of the sigma-delta modulator.
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4.18.3.5 Finite Gain of the Amplifier

Taking into account the amplifier finite gain A of the opamp in a SC integrator, the

transfer function can be written as

HI ðzÞ ¼ Vo ðzÞ
Vi ðzÞ ¼

� a1a
ð1� z�1Þð1þ mÞ þ a1a m

(4.174)

where m ¼ 1/A and a1a ¼ Cia/C2 andCia is the total input capacitance of all the feed-

in branches. Taking this model into account, the transfer function of the complete

sigma-delta modulator can be derived [4.117]. We consider the SOFOC2 architec-

ture shown in Fig. 4.76. for illustrating the procedure. For the purpose of this

analysis, we consider the second integrator to be ideal having a transfer function
z�1

1�z�1 since its nonidealities will be suppressed by the feedback loop. The first

integrator will have nonideal response HI(z) given by (4.174). By routine analysis,

we can obtain Y1(z) as

Y1 ðzÞ ¼ ðXðzÞHI ðzÞ þ Y1 ðzÞðHI ðzÞ þ 2Þ z�1

1� z�1

� �
þ En1 ðzÞ (4.175a)

Substituting for HI(z) from (4.174), we have

Y1 ðzÞ ¼XðzÞ z�2

1þ mð1þ aþ a z�1 � z�2Þ

þ En1 ðzÞ ð1þ mÞ ð1� z�1Þ2 þamð1� z�1Þ
1þ mð1þ aþ a z�1 � z�2Þ

(4.175b)

z –1

1–z –1
z –1

1–z –1

z –1

1–z –1

Y1

Y2
g1

–

+

–
+

–

z–1

(1–z–1)2

X
A/D

D/A

D/A

A /D

Y

Fig. 4.76 SOFOC2 architecture used for analysis of the effect of opamp finite gain and capacitor

mismatch

408 4 Switched Capacitor Filters



The output of the integrator preceding the quantizer in the first stage is given by

I2 ðzÞ ¼ Y1 ðzÞ � En1 ðzÞ (4.176a)

The output of the second stage with I2(z) as the input is

Y2 ðzÞ ¼ z�1 ðY1 ðzÞ � En1 ðzÞÞ þ ð1� z�1ÞEn2 ðzÞ (4.176b)

After digital scaling and subtraction, we obtain

V3 ðzÞ ¼ �En1 ðzÞ z�1 þð1� z�1ÞEn2 ðzÞ (4.176c)

Next, after double differentiation and subtraction, we obtain Y(z) as

YðzÞ ¼ XðzÞ z�3

1þ mð1þ aþ a z�1 � z�2Þ

þ En1 ðzÞ m z
�3 ðð1� z�1Þ2 það1� z�1ÞÞ
1þ mð1þ aþ a z�1 � z�2Þ þ ð1� z�1Þ3 E2 ðzÞ (4.177a)

Note that (4.177a) can be simplified by ignoring the (1 � z�1)2 terms and

ignoring the gain and frequency-dependent term in X(z) yielding finally

YðzÞ ¼ XðzÞ þ En1 ðzÞam z�3 ð1� z�1Þ þ ð1� z�1Þ3 En2 ðzÞ (4.177b)

It is evident that first-order quantization noise is leaked into the final output as a

result of finite opamp gain. Assuming the noise variances of the noise sources as

s2Q1 and s
2
Q2, the mean square noise at the output of the sigma-delta modulator can

be written from (4.177b) as

s2N ¼ ðampÞ2
3R3

s2Q1 þ
p6

7R7
s2Q2 (4.178a)

Alternatively, the increase in mean square noise in dB can be found with respect

to the value with m ¼ 0 as

DMSEðdBÞ ¼ 10 log10 1þ 7

3

am
g2

� �2 R

p

� �4 sQ1
sQ2

� �2
 !

(4.178b)

In a similar manner, the effect of finite gain of the opamp can be analyzed for all

sigma-delta modulator architectures.
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4.18.3.6 Effect of Capacitor Mismatch

Carrying out the analysis as before, considering ideal opamps, the final output of the

SOFOC2 modulator of Fig. 4.76 can be obtained as

YðzÞ ¼ XðzÞ z�3 ð1� ð1� g1 j1Þ ð1� z�1Þ2

þ En1 ðzÞð1� g1 j1Þ z�1 ð1� z�1Þ2 ð1� ð1� z�1Þ2Þ
þ g1 ð1� z�1Þ3 En2 ðzÞ (4.179a)

Ignoring the gain and frequency-dependent terms in X(z) and dropping the

fourth-degree terms, we have

YðzÞ ¼ XðzÞ z�3 þEn1 ðzÞð1� g1 j1Þ z�1 ð1� z�1Þ2

þ g1 ð1� z�1Þ3 En2 ðzÞ (4.179b)

This shows that the effect of mismatch is to leak second-order-shaped

quantization noise. Assuming the noise variances of the noise sources as s2Q1 and
sQ2

2, the mean square noise at the output of the sigma-delta modulator can be

written from (4.179b) (denoting (1 � g1j1) ¼ d) as

s2N ¼ s2d
p4

5R5
s2Q1 þ g21

p6

7R7
s2Q2 (4.180a)

where s2d is the standard deviation of d. Alternatively, the increase in mean square

noise in dB can be found with respect to the case with no mismatch (sd ¼ 0) as

DMSEðdBÞ ¼ 10 log10 1þ 7

5

sd
g1

� �2 R

p

� �4 sQ1
sQ2

� �2
 !

(4.180b)

Note that the parameter sd can be determined from the relation d ¼ (1 �
g1j1k1ak1b) (taking into account the scaling by k1ak1b which affects the path from

input I2 to output V2) as

s2d ¼
sj1
j1

� �2

þ sk1a
k1a

� �2

þ sk1b
k1b

� �2

¼ sVREF1

VREF1

� �2

þ sVREF2

VREF2

� �2

þ sk1a
k1a

� �2

þ sk1b
k1b

� �2

(4.181)

In a similar manner, the effect of finite gain of the opamp can be analyzed for

other sigma-delta modulator architectures.
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4.18.3.7 Effect of Comparator Hysteresis

The comparators used in sigma-delta modulators can have hysteresis which is

defined as the minimum overdrive required to change the output. Defining h as

the magnitude of hysteresis relative to the step-size D, its effect can be evaluated

similar to noise at the comparator input [4.118]. The sum of the quantization noise

and comparator hysteresis for a second-order sigma-delta modulator of Fig. 4.65d

can be written as

SN ¼ p2L

2Lþ 1

D2

M2Lþ1

1

12
þ 4 h2

� �
; M 
 1 (4.182)

Note also that the factor 4 arises since of the gain of the second integrator 0.5.

4.18.4 Band-Pass Sigma-Delta Modulators

So far, we have considered sigma-delta modulators that can code base-band signals.

On the other hand, it is also of great interest to be able to code band-pass signals

directly without translating the band-pass signal to the base-band. As an illustration,

A/D conversion at the I/F radio stage can follow one of the architectures shown in

Fig. 4.77a, b [4.133]. In the architecture of Fig. 4.77a, the conversion into the digital

domain is after the signal has been separated into I and Q components. On the other

hand, in the architecture of Fig. 4.77b, the band-pass signal is converted into the digital

domain at the IF location. The conversion to the digital domain at IF has several

advantages. The mismatch in I and Q paths that may exist in the architecture of

Fig. 4.77a will not exist in Fig. 4.77b. The effect of offset voltages of opamps in the

path hardware and effect of 1/f noise of opamps in the two paths can be avoided.

The need to implement precise mixers will not affect the quality of the direct

conversion. However, the sigma-delta converter needs towork at a very high sampling

frequency and the signal that needs to be digitized has a very high dynamic range.

The I and Q demodulators can be simpler if the sampling frequency is four times the

pass-band center frequency.

Several interesting architectures have been suggested to realize band-pass

sigma-delta modulators at very high frequencies which are considered in some

detail next.

The architecture of a band-pass sigma-delta modulator will be the same as that of

a first-order low-pass sigma-delta modulator except for replacing the loop filter

(realized using an integrator) by another block [4.134]. It may be noted that using a

loop filter with the z-domain transfer function �z�2

1þz�2

� �
yields the output of the band-

pass sigma-delta modulator of Fig. 4.78a as

Vo ðzÞ ¼ � z�2 Vi ðzÞ þ 1þ z�2
� �

En ðzÞ (4.183)
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It can be seen that the input signal is delayed whereas the quantization noise has a

transmission zero at frequency fs/4 (since cosy ¼ 0 or y ¼ oT ¼ p/2). Evidently,
by choosing the sampling frequency to be four times the center frequency, the

quantization noise at the center frequency of the band-pass response can be

attenuated. It is clear that the band-pass sigma-delta modulator can be obtained by

the substitution z�1 ! �z�2 in the transfer function of the integrator block.

Several techniques have been suggested [4.134, 4.135] for the SC implementa-

tion of the pole-forming loop in the band-pass sigma-delta modulator, that is,

realizing the denominator (1 þ z�2) needed in the transfer function �z�2

1þz�2

� �
which is considered next. These are shown in Fig. 4.78b–d.

It is important to note that realized poles are exactly on the unit circle so that the

noise is cancelled satisfactorily. Equal coefficients for the constant and z�2 terms

will realize exact center frequency at fs/4 thus making the notch depth only

dependent on R in the case of Fig. 4.78b and the realized transfer function is

1 � (2 þ R)z�1 + z�2. This is called the LDI loop. On the other hand, in the case

b
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Fig. 4.77 (a) Low-pass A/D conversion and (b) band-pass A/D conversion (Adapted from [4.133]
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of Fig. 4.78c, a forward-Euler loop is employed with R ¼ D ¼ �2. In this case, the

poles can be away from the unit circle due to tolerances in R and D. The realized

denominator of the transfer function is 1 � (2 + D)z�1 þ (1 � R + D)z�2. Note

that the errors in R and D can move the poles inside or outside the unit circle.

However, the gain errors in the first integrator and errors in R do not affect the notch

frequency to first-order. Note also that one of the opamps used to realize the loop

can settle quickly. In the third design option, denoted as a two-delay loop and shown
in Fig. 4.78d [4.136], two delays have been used to realize a denominator of transfer

function 1 � az�2. This case is opposite to that of Fig. 4.78a in the sense that here

the pole-frequency is fixed but the notch depth is sensitive to gain. This case is

useful only for band-pass modulators centered at fs/4.
A SC implementation of LDI- and FE-type feedback loops is presented in

Fig. 4.79. Singer and Snelgrove [4.134] have analyzed the effect of opamp finite

bandwidth and slew rate on the three configurations of Fig. 4.78b–d. It is known that

the LDI loop can be connected with two opamps together during settling or so that

they are decoupled. They point out that forward-Euler switch phasing gives a

significant advantage over LDI and its higher sensitivity to capacitor ratios does

not appear to seriously degrade the performance.

1+z −2

−z −2
+

–

Vi

en

Vo

a

1/(z–1) z/(z–1)

R = –2b

c

1/(z–1)

1/(z–1)

R = –2

D = –2

d

1/z

1/z

R = –1

Fig. 4.78 (a) Schematic

of a band-pass sigma-delta

modulator, (b) LDI-based

loop, (c) FEI-based loop,

and (d) loop using two
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Jantzi et al. [4.137] have implemented fourth-order band-pass sigma-delta

modulators using the two architectures of Fig. 4.80a, b. The architecture of

Fig. 4.80a uses an integrator-based companion form whereas that of Fig. 4.80b

uses cascaded resonators. Considering component sensitivity, the architecture of

Fig. 4.80b has been found to be better.

The noise-shaping frequency response can be derived for a 2Mth-order band-

pass sigma-delta modulator as [4.135]

HðejoTÞ ¼ g ð2 cosðoTÞÞM (4.184)

Hence, the resolution can be found following a similar approach to that in the

case of a low-pass sigma-delta modulator as

Bits ¼ M þ 1

2

� �
log2 R� log2

g pMffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
2M þ 1

p
� �

þ log2 ð2Q �1Þ (4.185)
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Note that the same expression applies to a low-pass modulator of half the order

of a band-pass modulator (see (4.143a)).

Ribner [4.135] has suggested the implementation based onMASH-type low-pass

sigma-delta modulators using LP–BP transformation. The reasons are (a) the low

sensitivity-to-capacitor ratios, (b) possibility of using multibit quantizers without
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Fig. 4.80 (a) Cascade of integrator-based companion form structure, and (b) cascade of

resonators structure (Adapted from [4.137] # IEEE 1993)
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increasing the sampling frequency, and (c) guaranteed stability as has been seen in

the case of low-pass sigma-delta modulators. Two such structures are presented in

Fig. 4.81a, b. Note that the structure of Fig. 4.81a uses several second-order

modulators in cascade whereas the structure of Fig. 4.81b is based on a cascade of

a fourth-order modulator and a second-order modulator. It is possible to have

multiple fourth-order cascades also. Note that in the circuits of Fig. 4.81a, b, the

weighting coefficients are different from those in the LP modulators.

A SC delay circuit is immune to capacitor nonlinearity and can operate at a

higher speed. Bazarjani and Snelgrove [4.138] have suggested the use of a double-

sampled SC delay circuit as shown in Fig. 4.82a using a fully differential amplifier.

During ф1, the input is stored on the sampling capacitor Cs and during ф2, the

capacitor Cs is switched to the output and plays the role of a holding capacitor.

In this circuit, the input is sampled every half clock cycle and it appears at the

output after a half clock cycle delay. The realized transfer function taking into

account the finite gain of the opamp is given by

HðzÞ ¼ 1

1þ 1
A

Cs þCin

Cs

� � z�1=2 (4.186)

where Cin is the opamp input capacitance.

A double-sampled resonator can be obtained by using two such delay blocks as

shown in Fig. 4.82b. It can be shown that the location of resonator pole is not

affected by the capacitor mismatch d between CI and Cs1:

HðzÞ ¼ ð1þ dÞ CI

Cs1

z�2

1þ z�2

� �
(4.187)

A fourth-order sigma-delta modulator can be easily derived using two such

resonators and a comparator with appropriate SC branches to feed input and the

switched reference voltages.

The mismatch in the two paths of the double-sampled circuit (see Fig. 4.83)

causes an in-band image of the signal. The effect is equivalent to feeding an input

and an attenuated version of the input to the circuit. Assuming a mismatch of delta,

the output can be written as

HðzÞ ¼ ðVie ðzÞ þ dVio ðzÞÞHðzÞ (4.188)

Nonuniform sampling due to uneven phases (i.e., of unequal duration) also

causes images to appear in-band. Note, however, that the mismatch in the second

stage is second-order noise-shaped and will not cause an appreciable image.

Several band-pass sigma-delta modulator architectures have been described in

the literature with subtle differences. The basic band-pass sigma-delta modulator

obtained by z�1 to �z�2 transformation from a low-pass sigma-delta modulator is

shown in Fig. 4.84a. Note that by simulation, the gains of the integrators have been
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suggested by Ong and Wooley [4.133] as shown. A two-path version of this sigma-

delta modulator for operation at double the speed can be derived as shown in

Fig. 4.84b.

The circuit can be partitioned into two independent high-pass paths as shown in

Fig. 4.84c. It is important to note that the quantization noise is not doubled due to

the two separate quantizers in the two paths, since the two paths are interleaved and

not summed. This architecture makes the modulator lead to a simple layout. The SC

circuit realizing the transfer function z�2/(1 þ z�2) is presented in Fig. 4.84d. The

transfer function of this fully differential circuit is given by

Vout ¼ C1A

C3A

z�1
p

1þ C2B

C3A
� 1

� �
z�1
p

0
@

1
A Vin ðzpÞ þ VREF ðzpÞ
� �

(4.189a)

where zp
�1 corresponds to a delay in a path. In the case where C2B/C3A is greater

than two due to component tolerances, the circuit can be unstable. It has been found

by simulation [4.133] that if the matching is 1%, the internal states in the circuit will

be bounded. The effect of amplifier gain can be seen to alter the transfer function as

Vout ¼ C1A

C3A
ð1� dÞ z�1

p

1þ ð1� gÞ C2B

C3A
� 1

� �
z�1
p

0
@

1
A Vin ðzpÞ þ VREF ðzpÞ
� �

(4.189b)

An amplifier gain of 1,500 has been found to be sufficient to reduce the image

component to �40 dB arising due to finite amplifier gain. The effect of amplifier

settling time is to result in a transfer function

Vout ¼ C1A

C3A
ð1� eÞ z�1

p

1þ C2B

C3A
� 1

� �
z�1
p

0
@

1
A Vin ðzpÞ þ VREF ðzpÞ
� �

(4.189c)

where e ¼ e�T/t and T is the time for settling. If the two paths settle with different

time constants, the mirror signal is incompletely suppressed. Thus, the amplifiers in

the first stage must be designed to settle to the full precision of the modulator. The

slew-rate of the opamp will further affect the settling behavior.

Song [4.139] has suggested some modifications of the sigma-delta modulator

architectures shown in Fig. 4.85a. Note that the signs of the inputs of the summers in

an alternative architecture of Fig. 4.85b are different from those shown in Fig. 4.85a.

This architecture can enable economical realization of the resonators using fewer
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Fig. 4.83 Two-path SC filter
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opamps while realizing quadrature demodulation. The reader is referred to [4.139]

for details on this approach.

Salo et al. [4.140] have described an interesting fourth-order band-pass sigma-

delta modulator architecture. The block diagram of this is presented in Fig. 4.86a.

The transfer function realized by this modulator is given by
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VðzÞ ¼ z�2 UðzÞ þ ð1þ z�2Þ2 EðzÞ
1þ 2z�2 þ z�4 �a z�ðn1 þ2Þ �bðz�ðn2 þ1Þ þ z�ðn2 þ3ÞÞ (4.190)

Two different choices are possible for n1, n2, a, and b given as follows: n1 ¼ 0,

n2 ¼ 1, a ¼ 1, b ¼ 1 or n1 ¼ 2, n2 ¼ 1, a ¼ �1, b ¼ 2. Note that two separate

DACs have been used. The block with transfer function z�1

1þz�2 (double-delay

resonator) is realized as shown in Fig. 4.86b. The SC implementation is as shown

in Fig. 4.86c together with the switching waveforms in Fig. 4.86d. Thus using two

opamps, the fourth-order modulator can be realized. The operation of the resonator

is as follows. In Phase 2, the charge in the sampling capacitance Cs is summed with

the charge in either the integration capacitor CiA or CiB. In clock phase 1, a new

sample is taken from the input and output of the resonator can be sampled by the

following circuit. The delay of two clock phases is implemented by using two

branches A and B in which the signal value is alternately integrated. The sample

integrated two clock periods earlier is stored in the integration capacitance of the

respective branch. The feedback factor of �1 is achieved by switching the integra-

tion capacitances alternately to the opposite nodes of the opamp. The center

frequency of the resonator is fs/4.
Kuo et al. [4.141] and Wang and Kuo [4.142, 4.143] studied the design of the

single-loop sigma-delta modulator using a multibit quantizer in various configura-

tions: (a) using a cascade of resonators with distributed feedback (CRFB), (b)

cascade of resonators with feedforward (CRFF), and (c) low-spread cascade of

resonators with feedforward (LSCRFF). The objective was to evolve a stable design

needing minimum capacitor spread and minimum order for realizing a specified

SNR. They consider the realization of inverse Chebychev type of noise transfer

function while realizing a signal transfer function with only zeroes on the unit

circle. The selection of the NTF is based on a figure of merit noise power gain
which is given as 1

p

Ð p
0

NTFðejoÞj jð Þ2 do to examine the stability. Note that NTF

d

2

1

A

B

X

iX

Fig. 4.86 (continued)
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decreases when the order N is increased, SCR (sampling frequency to center

frequency ratio) increases, or higher quantizer bits are used. The method has been

used for band-pass sigma-delta modulators as well. The reader is referred to their

work for more details.

4.19 Problems

P.4.1. Analyze the effect of opamp offset on the SC integrators of Figs. 4.5a and

4.6a. Analyze the effect of opamp dc gain as well noise of the opamp.

P.4.2. Multiphase SC circuits can be analyzed using z-domain equivalent circuits.

Mulawka [4.144] has suggested the equivalent circuit of Fig. P.4.2a.

Herein, as many sections as the number of phases exist. The opamp also

gets split as n opamps. Draw a z-domain-equivalent circuit of Fig. P.4.2b

and derive the transfer function. Derive by hand as well and compare the

efficiency of both methods.

P.4.3. Derive a fifth-order SC filter based on component simulation technique

from prototype LC ladder filter based on the approach of Fig. 4.17.

P.4.4. The LDI transformation is given by s ! 1�z�1

T z�1=2 . Thus, given an s-domain

root, we can obtain two roots in the z-domain since this relationship is a

quadratic in z�1/2. One of these will be inside the unit circle and the other

outside the unit circle. By choosing the roots mapped within the unit circle,

a stable z-domain transfer function can be constructed [4.145]. Obtain a

second-order digital filter transfer function from a second-order Butter-

worth filter with a pole-frequency of 1 KHz. Use a sampling frequency of

100 KHz.

P.4.5. SC filters can be obtained from active RC filters using p-transformation

[4.146] defined by s ! 1�z�1

T . The procedure is to replace the resistors using

series switched capacitors working in one phase, say even and isolating the

capacitors so that charges flow in any one phase. An example is illustrated

in Fig. P.4.5 derived from the Sallen–Key active RC filter. Derive the

transfer function and confirm this fact. Evaluate d and Qp of the realized

filter. What are the limitations to this method of deriving SC filters?

P.4.6. A SC circuit that can realize bilinear transformation [4.147] is shown in

Fig. P.4.6. Determine the realized DQ(z) � V(z) relationship. Show that the

SC resistor of Fig. P.4.6 realizes a bilinear transformed transfer function

corresponding to the prototype Sallen and Key active RC filter.

P.4.7. Fried [4.148] described the application of the concept of switched-

capacitors to filters first. Analyze the SC filter of Fig. P.4.7. When you

interchange ground and input terminals (i.e., use complementary transfor-

mation), you can obtain another SC filter. Derive the transfer functions of

both these circuits and comment on these circuits.
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P.4.8. Compare the various s to z transformations (a) s ! 1�z�1

T , (b) s ! 1�z�1

T z�1 , (c)

s ! 1�z�1

T z�1=2 , (d) s ! 2ð1�z�1Þ
Tð1�z�1Þ regarding their mapping properties.

P.4.9. Analyze the effect of finite opamp gain on the circuits of Fig. 4.14a–d.

P.4.10. Show that the Q realized by the transfer function (4.75b) is p
6 lnðbÞ [4.52].

P.4.11. Analyze the effect of offset voltage of the opamp on the circuit of Fig. 4.14a

(see (4.38)).

P.4.12. Evaluate the dc gains taking into account the finite opamp gain A on the SC

integrators of Fig. 4.44a–e.

P.4.13. Evaluate the dc gains taking into account the finite opamp gain A on the

amplifiers of Fig. 4.46a–b.

P.4.14. Derive expressions for the change in pole frequency and pole-Q of a two-

integrator loop in terms of the magnitude and phase errors of the lossless

and lossy integrators (see (4.137a) and (4.137b)).

P.4.15. Analyze the effect of opamp finite gain on the sigma-delta modulators of

Figs. 4.67a–d.
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P.4.16. Analyze the effect of capacitor mismatch on the Sigma-delta modulators of

Fig. 4.67a–d.

P.4.17. Derive the transfer function of the SC integrator of Fig. P.4.17. Compare

with other SC integrators of Fig. 4.6a, b, c with C3 ¼ 0.

P.4.18. Derive the transfer function of the SC circuit of Fig. P.4.18. and evaluate

the performance.

P.4.19. Derive the transfer function of the SC filters of Fig. P.4.19a, b. Show that by

choosing input properly, a LP filter can be realized from a high-pass filter.

P.4.20. Analyze the circuit of Fig. P.4.20 and derive the condition for realizing

a bilinear integrator. Compare this circuit with other bilinear integrators.

P.4.21. Analyze the circuit of Fig. P.4.21. Determine the condition for realizing a

bilinear integrator and compare it with other bilinear integrators.
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P.4.22. Analyze the general SC circuit of Fig. P.4.22 using Laker’s equivalent

circuit method. Derive the condition for having output held over a clock

period.

P.4.23. Realize a fourth-order direct form filter using the three-phase delay of

Enomoto (see Fig. 4.43b).

P.4.24. A parasitic-compensated differential integrator is shown in Fig. P.4.24.

Derive the transfer function and obtain the condition for exact parasitic

compensation.

P.4.25. Analyze the three Martin–Sedra SC biquads [4.4, 4.151] of Fig. P.4.25a–c.

Compare them with the Fleischer–Laker SC biquad of Fig. 4.8a.

P.4.26. An electrically programmable SC filter [4.152] is shown in Fig. P.4.26.

Analyze the circuit and derive expressions for pole-frequency, pole-Q, and
gain. Discuss the limitations of this circuit.

P.4.27. Cox et al. [4.153] presented a programmable SC filter presented in

Fig. P.4.27. Derive the design equations for various capacitor ratios for

realizing the desired pole-frequency, pole-Q, and gain.

P.4.28. A programmable SC filter [4.154] is shown in Fig. P.4.28. Analyze the

circuit and derive expressions for pole-frequency, pole-Q, and gain. Com-

pare this with the two filters considered in P.4.26 and P.4.27.

P.4.29. Derive a stray-insensitive SC filter from Bach’s active RC filter using

p-transformation. Evaluate the design compared to the Fleischer–Laker

biquad.
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P.4.30. Derive a SC filter [4.159] from the Tarmy–Ghausi active RC filter of Fig.

2.25a. Discuss its advantages and limitations and derive the design equations.

P.4.31. Derive the expression for DQ(z) � V(z) relationships at the input port of the
four-phase SC circuit of Fig. P.4.2b. Find the conditions under which a

lossless floating inductance is realized.

P.4.32. Design a LDI-type SC ladder filter for a sampling frequency of 100 KHz

and cutoff frequency of 11 KHz. The prototype with Chebychev 0.1 dB

ripple is shown in Fig. P.4.32.

P.4.33. Design a bandpass filter from the third-order Chebychev prototype (see

Fig. P.4.32) for 0.1 dB ripple, center frequency of 10 KHz, and bandwidth

1 KHz. Construct a leap-frog active RC implementation and SC implemen-

tation using bilinear transformation.

P.4.34. Derive an N-path SC filter from the two-phase SC filter of Fig. 4.6b using

z ! zN transformation. Explain the operation and plot the frequency

response.
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P.4.35. A SC balanced modulator [4.10] is presented in Fig. P.4.35. Explain the

operation of the circuit. Use a PSPICE program to obtain the time domain

behavior.
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Chapter 5

Practical Designs of VLSI Analog Filters

In the previous chapters, design techniques for active resistance capacitor (RC),

operational transconductance amplifier (OTA) capacitor (OTA-C), and switched-

capacitor (SC) filters have been covered in great detail. In this chapter, we survey

the state of the art of implementations. The objective is to bring to the attention of

the reader how the various requirements such as low power, low voltage operation,

high operating frequencies, and low area are addressed in practice. The evolution of

contemporary design techniques has been continuing since the 1980s and many

ideas developed have been employed and improved to meet the above-mentioned

requirements. We present here work done more recently, since 2002. The figures of

merit needed for comparing various design techniques, typical specifications,

practical considerations, and tuning techniques are presented appropriately. We

deal with active RC designs, OTA-C designs, and LC filters separately. Since

Chap. 4 dealt with SC filters in great detail, and there has not been much recent

development, we have not focused on those. We follow the description given by

respective authors regarding total system design: filtering functions, tuning loops,

programmability, and details of active device design since these diverse approaches

cannot be easily unified.

5.1 Integrated Resistors and Capacitors

Double polysilicon capacitors offer good matching and low parasitic capacitance to

substrate of 1% of the nominal value compared with 50–100% if metal layers are

used. Polysilicon resistors exhibit good linearity of around 50 ppm/volt. For high

linearity applications, passive components must be used for realizing time constants.

Tunability of responses using passive components can be achieved by programmable

resistor and capacitor arrays. The four types of programmable resistor and capacitor

arrays are shown in Fig. 5.1a–d [5.1, 5.2]. Of these, (a) and (d) are preferable, taking

into account the area requirements for a given tunability range. As an illustration

for a five-bit control, considering a nominal value of the componentCnom orRnom and

P.V.A. Mohan, VLSI Analog Filters: Active RC, OTA-C, and SC,
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a 50% tuning range (i.e., x ¼ 50), the area and quantization error limits are presented

in Table 5.1. Evidently, designs (a) and (d) require the least area. Considering the

switch parasitic capacitance and ON resistance, it can be shown that the parallel

capacitive array has better performance than the series resistor array.

5.2 Active RC Filter Designs for Wireless Applications

The low-pass filter cutoff frequencies needed for various wireline and wireless

standards within the 1- to 20-MHz range are presented in Fig. 5.2a.

Asalanzadeh et al. [5.3] have described a fifth-order reconfigurable power

adjustable active RC low-pass filter to meet all these requirements. This can be

Fig. 5.1 (a) Parallel

capacitor array, (b) a parallel

resistor array, (c) a series

capacitor array, and (d) a

series resistor array (Adapted

from [5.1] #IEEE 1992)

Table 5.1 Design examples of four types of PCAs and PRAs (Adapted from [5.1]#IEEE 1992)

CTOT

Array Design specification RTOT eþmax (%) e�max (%)

Parallel capacitive Cmax ¼ 40 pF, x ¼ 50, N ¼ 5 59.38 pF þ3.13 �2.94

Series capacitive Cmax ¼ 40 pF, x ¼ 50, N ¼ 5 1918 pF þ3.03 �3.03

Parallel resistive Rmax ¼ 80kO, x ¼ 50, N ¼ 5 3836kO þ3.03 �3.03

Series resistive Rmax ¼ 80kO, x ¼ 50, N ¼ 5 118.8kO þ3.13 �2.94
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Fig. 5.2 (a) Diverse wireline/wireless applications with unevenly spaced cutoff frequencies,

(b) top-level filter architecture, (c) biquad used in (b), (d) capacitor array for frequency selection,

(e) continuous impedance multiplier (CIM), (f) biquad circuit used for analysis, (g) CIM,

(h) opamp, and (i) CMFB loop schematic (Adapted from [5.3] #IEEE 2009)



used for base-band filtering for a variety of applications needing cutoff frequencies in

the range of 1–20 MHz. This architecture uses a first-order section followed by two

second-order sections. A first-order, third-order, or fifth-order transfer function can be

obtained by switching off the appropriate stages and taking the outputs at the first or

second stage or after the third stage. The architecture of the fully differential filter is

presented in Fig. 5.2b–e and the biquad circuit is shown in Fig. 5.2f. The frequency

tuning is done in three ways. First, a Chebychev- or inverse Chebychev–type transfer

function is selectable by the switch Cheby/ICheby (see Fig. 5.2c–e). Next, program-

mable capacitor arrays controlled by S0, S1, and S2 together with the resistance

Fig. 5.2 (continued)
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control of n using the switch S3 are used to select the frequency band. Next,

continuous change in pole frequency is feasible using a fixed value realized by the

resistors RCHEBY, RICHEBY, nRCHEBY, nRICHEBY together with a continuous imped-

ance multiplier (CIM). This uses a T network, whereby changing the k value, the

total resistance can be changed. Note that this configuration is applicable only when

the terminal B faces virtual ground. The resistance R/k is realized using a NMOS

transistor with a continuously variable control voltage Vc (see Fig. 5.2g). The control

voltage is obtained using a control loop, shown in Fig. 5.2b. In this technique, the

input and output of a reference band-pass biquad implemented on the same chip are

multiplied and the output signal is integrated using a low-pass filter to derive the dc

control signal. Note that the phase difference ideally should be 90�. The control

varies to satisfy this requirement.

The design also has a power adjustment feature. To maintain the stability margin

while optimizing power, power is scaled to make oo/B constant when oo is

reduced. Note that at high pole frequencies, high power consumption will exist.

There is a tradeoff between phase margin and Gain Bandwidth Product (GBW) for a

given oo and Q. The biquad realizes a sixth-order transfer function taking into

account the first and second poles of the operational amplifiers. The authors define a

parameter “minimum acceptable phase margin” and derive the condition for stabil-

ity under different conditions. The power adjustment signal adjusts the bias currents

of all the operational amplifiers (opamps) as well as that of the common-mode

feedback (CMFB) circuit (see the complete opamp circuit in Fig. 5.2h, i) simulta-

neously. The opamps use three stages Since of the low supply voltage and moder-

ately low load resistance. A CMFB circuit using an RC divider network is

employed. The opamps used nested Miller compensation and all stages are

inverting stages. Stability is ensured by proper choice of Rm1, 2 and ensuring that

Cm1 � Cm2.

Balankutty et al. [5.4] have proposed a zero-IF/low-IF receiver for 2.4 GHz ISM

band applications. The architecture of this design in the 90 nm CMOS process is

presented in Fig. 5.3a. The RF front-end consists of a single-ended low-noise

amplifier (LNA) followed by a quadrature mixer to perform down conversion and

single-ended to differential conversion. The local oscillator signals are derived

from a 4.8-GHz fractional synthesizer operating from a 32-MHz reference clock.

The LNA provides a 50-ohm input matching impedance at 2.4 GHz. Active

polyphase buffers are used to provide the LO signal to the I and Q channel mixers.

The variable gain complex band-pass filter rejects out of band channel blockers

and provides programmable gain. The receiver caters to both Zigbee (802.15.4) and

Bluetooth (802.15.1) applications. The radio specifications of Bluetooth and Zigbee

are presented in Table 5.2. It can be seen that the channel filter for receiving

Bluetooth signals in the low IF mode is 2 MHz and hence a band-pass filter is

used. On the other hand, for Zigbee application using zero-IF mode, a base-band

low-pass filter of a 1-MHz cutoff frequency is used. A three-wire serial interface is

used to program and control the receiver.

To improve the linearity, in this design the filter precedes the variable gain amplifier.

This requires that the filter noise be very lowwhich leads to higher power consumption.
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Interleaving gain and filtering will optimize the noise and linearity performance.

Due to the low voltage operation, active RC circuits have been employed Since of

their superior linearity performance. The authors’ design is for a standard Bluetooth

since the channel spacing is low for Bluetooth and hence has more stringent filtering

requirements exist. A sixth-order Butterworth filter needs a maximum Q of 2 for

any biquad section; therefore, it is preferred over a fourth-order Chebychev response.

Fig. 5.3 (a) Block diagram of the dual-mode Zero-IF/low-IF 0.6 V receiver, (b) signal flow graph

of a complex second-order active filter, (c) circuit implementation of (b), and (d) 0.6-V OTA

schematic with circuit for operating the body bias (Adapted from [5.4] #IEEE 2010)
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The design uses Tow–Thomas biquads. Due to the low pole-Q, the bandwidths of the
OTAs can be lower.

In a complex first-order filter, a first-order transfer function 1

1þ s
ooð Þ is transformed

to a band-pass transfer function 1

1þ s�joc
ooð Þ . A second-order complex filter signal flow

graph and active RC implementation are presented in Fig. 5.3b, c. In the zero-IF

Fig. 5.3 (continued)
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mode, cross-coupling switches S1I, S2I, S1Q, and S2Q are opened to obtain a low-pass

filter. The cutoff frequency is given by oc ¼ 1ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
R3ab R4ab C2ab C3ab

p . The capacitor and

resistor values are set to realize the bandwidth of 1 MHz as well as to achieve low

input referred noise of the filter (<3 nArms). In the low IF mode, the switches are

closed and the filter characteristic shifts to a frequency oc, given by oc ¼ 1
R5ab C2ab¼ 1

R6ab C3ab
: Note that the filter capacitors are doubled in the low-IF mode to set the

bandwidth to 1 MHz.

Since the GFSK spectrum used in Bluetooth has high energy at dc, a low IF

architecture is preferred to avoid degradation due to 1/f noise. Since the bandwidth
of the Zigbee signal is higher, the 1/f noise is of no consequence. A direct

conversion receiver therefore is preferred for Zigbee.

The filter is tuned by using thermometer-coded and binary-weighted switched

capacitors. The use of SCs helps to eliminate the nonlinearity of the varactors. In the

low IF mode, the bandwidth can be tuned from 250 KHz to 2.2 MHz in steps of

40 KHz and in the zero IF mode, the filter bandwidth is tunable from 800 KHz to

2.1 MHz in steps of 30 KHz. The switches for tuning the filter bandwidth and cross-

coupling switches are connected to the virtual grounds of the OAs since the signal

swing that needs to be handledwill be low.A nonminimum-length transistorwith 600-

mV forward body bias is used to reduceVT so that the switch can be turned on stronger.

The ordering of the pole-Qs of the biquads is Q ¼ .517, Q ¼ .707, and Q ¼ 1.93

from the first to third stage, respectively. A variable gain of 0–24 dB is implemented in

the input resistors of the second stage by using switched binary weighted resistors.

The OTAs (see Fig. 5.3d) are two-stageMiller-compensated types with input and

output common mode voltage set to 0.3 V. Forward body biasing is used in the first

stage to reduce the VT of M1a and M1b to 150 mV (Vgs of 200 mV). Nonminimum-

length devices are used to exploit the reverse channel effect. Second-stage

transistors do not employ forward body bias because the biasing is more flexible

in the second stage. The common mode rejection is achieved by the CMFB ampli-

fier, which needs a bias current comparable to that in the first stage. The forward

Table 5.2 Radio specifications for Bluetooth (802.15.1) and Zigbee (802.15.4) operating in

2.4-GHz ISM band (Adapted from [5.4]#IEEE 2010)

Bluetooth Zigbee

Frequency band [MHz] 2,400–2,480 2,400–2,483

SNR at demodulator [dB] 15 7

Channel bandwidth [MHz] 1 2

Data rate [Mbps] 1 0.25

Min. receiver sensitivity [dBm] �70 �85

Receiver noise figure [dB] <28 <19

Channel spacing [MHz] 1 5

Alternate channel rejection [dB] 30 30

Receiver IIP3 [dBm] �21 �20

Received signal power [dBm] <�20 <�20

Synthesizer phase noise (@1 MHz offset) [dBc/Hz] �110 �88
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body bias applied to transistor M1a and M1b is adaptive. The VGS of the transistor

M14, which is fed with reference current, is compared with a fixed reference voltage

and the error voltage is amplified to generate the needed body bias.

Shih et al. [5.5] have described a 250-MHz analog baseband chain for ultra-wide

band (UWB) in 1.2 V 0.13 mCMOS process. A UWB receiver block diagram is

shown in Fig. 5.4a. The RF front-end has a low gain so that the level of interferers

is contained in the next analog baseband. The authors chose a current mode

implementation since at low voltage, achieving high linearity with voltage mode

circuits in deep submicron processes is very difficult. Voltage mode circuits also

tend to have lower bandwidth at high closed-loop gains. A current mode

Sallen–Key low-pass filter is used followed by programmable gain amplifiers

(PGAs) and low-pass filters. At the output of the RF front-end, a large signal

swing generates harmonics due to the nonlinearity of the MOS transistors used in

mixers. Hence, translating the signal from the voltage domain to the current domain

contains the signal swing. The WLAN 802.11a is only 700 MHz away from the

4.5-GHz channel, and therefore a single-pole low-pass filter is not adequate. Hence,

this design uses a second-order current mode Sallen–Key filter. The complete

baseband chain is presented in Fig. 5.4b. Following the Sallen and Key current

mode filter, current mode programmable gain is realized in three stages. This is

followed by a sixth-order voltage mode Gm-C filter, and again a chain of PGAs

follows the Gm-C filter. An I/V converter is employed whose output is buffered to

deliver the final output. The hardware is duplicated in the Q channel. The reader is

referred to [5.5] for a detailed discussion on the current mode PGA. We restrict our

attention here to the filtering subsystem.

A Sallen andKey current mode filter is presented in Fig. 5.4c. This can be obtained

by applying the adjoint technique [5.6]. The realized transfer function taking into

account the finite input resistance of the current amplifier can be derived as

Io
Iin

¼ s2 C1 C2 R1 riþsC2 ri�F

s2 C1 C2 ðR1 R2þri ðR1þR2ÞÞþ sðC1 ðR1þR2ÞþC2 ðR1þR2 ð1þFÞÞþ1

(5.1)

Note that due to finite ri, transmission zeroes are created. The notch frequency

can be designed to lie in the range of 1.2–1.4 GHz to filter the interference signals,

whereas the pole frequency is 250 KHz. Note that in this fully differential circuit,

transistors M1–M4 form a series–series feedback-based current mirror with low

input resistance. The currents are mirrored to generate FIi as needed.
The sixth-orderGm-C filter is presented in Fig. 5.4d and is based on an LC ladder

structure and is fully differential. The schematic of theGm cell is shown in Fig. 5.4e.

This uses the superfollower structure to improve the linearity. TheGm cell also has a

common mode feedback loop as shown. The tuning of the Gm cell is carried out by

having a calibration loop as shown in Fig. 5.4f. This consists of aGm cell, a capacitor

array, a comparator, and a digital controller. An accurate reference clock is used to

control the switch across a voltage source V2 and the output of the Gm cell to decide
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Fig. 5.4 (a) Architecture of a direct conversion receiver for UWB, (b) block diagram of the

wideband wide dynamic range baseband chain, (c) current mode Sallen–Key LPF, (d) sixth-order

Gm-C filter, (e) schematic of Gm used in (d), and (f) Gm-C calibration loop (Adapted from [5.5]

#IEEE 2010)
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Fig. 5.4 (continued)
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the charging time of the capacitor array. The output voltage of the Gm cell is

compared with a VREF. By using successive approximation search, the digital

controller controls the capacitor array.

Vasilopoulos et al. [5.7] described a low-power, wide-band, reconfigurable

integrated active RC filter. This realizes a fifth-order Chebychev or a third-order

elliptic filter cascaded by a second-order delay equalizer. The cutoff frequency can

be set either to 5 or 10 MHz. The active RC filter structure is presented in Fig. 5.5a

and comprises a first-order filter cascaded by two biquads. In both cases the pass-

band ripple is 0.1 dB and passband gain is 0 dB. Digital control signals are used to

control the various resistors and capacitors using programmable arrays of the type

shown in Fig. 5.5b, c. The structure of these can be controlled by one bit, as shown

for typical resistance R1A and capacitor C4C. Each resistor in the configuration of

Fig. 5.5d has three-bit control made up of a series-parallel connection of unit

resistors. This has a constant part Rcon together with a programmable part, yielding

a total resistance of Rcon þ
P2

i¼0 2
i R
2
. The signal BAND controls the bandwidth of

the filter. The variable part of the resistance is used for time constant compensation.

All the switches are implemented using NMOS transistors with a driving voltage of

2.7 V derived from the 1 V power supply using a charge pump circuit.

The opamp employed is as shown in Fig. 5.5e, which uses two types of

compensation: (a) R in series with C as well as (b) cross-coupling through

the capacitors CF. This technique has been found to increase the bandwidth of the

opamp. The CMFB loop is also shown in Fig. 5.5e. The fully differential opamp

uses a resistor in place of a current source for common mode rejection purposes at

the expense of reduced CMRR since low voltage operation is desired. The voltage

VCM is typically 500 mV and is produced by the circuit, as shown. Note that VCM is

Vg of device M1a. The transistors M5a and M5b pass the same current if their Vg is

equal. The loop that closes through M5a, M5B, M6, M7A, and M7B maintains the dc

output voltage equal to VCM. The capacitors C1 and C2 improve the loop phase

margin so that common mode oscillations cannot be sustained.

The authors have used the RC oscillator of Fig. 5.5g together with the automatic

tuning scheme of Fig. 5.5f for controlling the time constant variation. The nominal

frequency of the oscillator is 500 KHz. A 32-MHz clock is used to clock a down

counter preset to 32. The counter is enabled using the 500-KHz clock. The resistors

of the oscillator are controlled by three bits. If the oscillator period is greater than

the nominal, the down converter will reach a negative value. On the other hand, if

the oscillator frequency is lower, the down counter will stop before it goes to zero.

The down counter final value is added to the digital word that controls the register

so that the resulting new digital word will be fed to the various resistors. Until a

significant change occurs, the digital word remains the same.

The advantage of the tuning approach is that it corrects the oscillator frequency

in one iteration of the algorithm.

Ghittori et al. [5.8] have described a multimode DAC+filter for reconfigurable

transmitters for WLAN/UMTS and WLAN/Bluetooth application. Two devices

have been proposed: (a) for WLAN IEEE 8012.11 a/b/g with a base-band width

of 10 MHz and UMTS with a base-band width of 2.34 MHz, and (b) WLAN and
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Fig. 5.5 (a) Topology of the filter, (b) structure of R1A, (c) structure of C4C, (d) structure of

resistor used, (e) schematic of the operational amplifier, (f) conceptual control loop, and (g)

relaxation oscillator (Adapted from [5.7] #IEEE 2006)



Bluetooth with 500-KHz base-band width. The architecture of the transmit chain is

shown in Fig. 5.6a. The overall DAC and filter structure is shown in Fig. 5.6b. Note

that the DAC is based on a current steering thermometer type. The programmable

reconstruction filter is a fourth-order Bessel filter realized using a cascade of two

Rauch (multiple feedback) low-pass filters. Note that the resistors can be selected

using the bit BS. A 4-bit digital tuning circuit is provided since the tolerance needed

to adjust the capacitor values is �35%. No cutoff frequency tuning was deemed

necessary. The opamp bandwidth was 30 times the pole frequency. Fully differen-

tial Miller-compensated opamps have been employed. The opamp bandwidth is

reduced for UMTS and Bluetooth modes because the needed pole frequencies are

lower in this case. This is achieved by reducing the gm of the first stage/bias current.

The current steering DAC has 255 unit current sources, each of which is

implemented using a NMOS transistor in the saturation region. These are

connected to a differential switching pair that diverts the current to a positive or

negative output node depending on the digital control provided by the binary

thermometer coder.

Kousai et al. [5.9] have described a fifth-order active RC Chebychev low-pass

filter for meeting draft 802.11n next generation WLAN requirements. They have

considered the nonidealities of the opamps, finite bandwidth, and nonidealities of

Fig. 5.5 (continued)
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programmable resistors. The variable resistor can be realized as shown in Fig. 5.7a

or in the “one-hot” configuration shown in Fig. 5.7b. However, the latter has the

advantage that one parasitic capacitance is at virtual ground of the opamp, whereas

the other parasitic depends on the tap position. Due to the distributed parasitic

capacitance, the equivalent pole-frequency of the resistor can be very low. As such,

the authors use the configuration of Fig. 5.7c which also is a one-hot configuration

and has the equivalent circuit as shown. An integrator using such a variable resistor

can be compensated by using a resistance in series with the integrating capacitor as

is well known.

The authors have realized a fifth-order ladder filter as shown in Fig. 5.7d. By

switching the capacitorsC1,C2, andC3, the bandwidth can be changed between 19.7

and 8.9 MHz. Fine tuning of the bandwidth is possible using RV between 19.3 and

20.1 MHz.

The second-order LPF replica shown in Fig. 5.7e is used to facilitate tuning the

main filter of Fig. 5.7d. This replica filter is similar to the third factor (quadratic

factor) of the fifth-order transfer function. The tuning procedure is illustrated in

Fig. 5.7f. Using Rv, the pole-frequency can be tuned and next using RC4, compen-

sation can be achieved. The filter tuning system is presented in Fig. 5.7g which uses

a clock of 40 MHz/20 MHz and generates 20 MHz/10 MHz. This will generate

differential input signals for the replica filter and reference signals (see Fig. 5.7h).

The signal is fed to the replica filter whose output amplitude is compared with the

reference signal. Ideally, the amplitude should be 16 Vin/p.

Fig. 5.6 (a) Direct conversion transmit chain, (b) overall DAC+filter structure (Adapted from

[5.8] #IEEE 2006)
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Fig. 5.7 (a) Binary-weighted resistor bank, (b) one-hot variable resistor and its equivalent circuit,

(c) variable resistance implementation, (d) fifth-order filter schematic, (e) schematic of second-

order replica filter, (f) filter tuning procedure, (g) block diagram of filter tuning system, and

(h) schematic of reference signal generator (Adapted from [5.9] # IEEE 2007)



Fig. 5.7 (continued)
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The amplitude comparator shown in Fig. 5.8a uses the SC technique. The control

block adjusts RV to minimize the phase difference due to the nonideal opamp

bandwidth. Next, QR is tuned using RC based on the amplitude comparator.

The schematic of the amplifier used is shown in Fig. 5.8b. It is a two-stage

amplifier followed by a common source amplifier. The differential amplifier is a

folded cascode type. The biasing circuit is shown in Fig. 5.8c where ICONST and

IPTAT are temperature-independent current and current proportional to the tempera-

ture generated by a bandgap reference.

Yoshizawa and Tsividis [5.10] have proposed a channel select filter with agile

blocker detection and adaptive power dissipation. In order to keep the power

dissipation low, a detector circuit monitors the blocker levels and controls the bias

currents of the filter. The block diagram of such a system is shown in Fig. 5.9a. This

concept is applied to a first-order active RC filter as shown in Fig. 5.9b. The

differential input signal of the opamp is nonzero due to the finite bandwidth of

the opamp. A level detector monitors this signal and generates a bias voltage that can

control the open loop gain of the opamp by controlling the transconductance.

To monitor the blocker signal level, it may be preferable to have a frequency

selective characteristic before the peak detector circuitry. The circuit of the level

detector is presented in Fig. 5.9c. The circuit performs preamplification, CM

rejection, peak detection, and loop filtering. The input capacitors block the dc

signal. An integrator is used as the loop filter so that the dc gain of the loop filter

is large and hence small vx can be sensed. Dynamic biasing in the loop filter helps

fast ramp-up when a large blocker appears. Two differential pairs are used that are

initially used to reduce the attack time. When Po turns on, the 1 mA differential pair

goes off. The operating current reduction makes the loop filter time constant larger.

The amplifier used follows the scheme of Fig. 5.9d wherein the common mode path

and signal path are different. The CM path is through TA2 and TA3 whereas the

signal path is through TA1. Such separation ensures that the signal path bandwidth

is more than that of the common mode feedback path.

The complete fully differential class AB output stage is shown in Fig. 5.9e. The

current mirrors M1 and M2 provide quiescent current to the opamp. The cascaded

PMOS pair M3 and M4 provide the error control current ICNT (10–150 uA) through

control by VCNT. A class AB output stage is employed. The frequency compensation

uses cascode Miller forward-type through two capacitors CC and Cf (see Fig. 5.9f).

At low frequencies, Cf is not effective. At high frequencies, the current through Cf

cancels the phase shift caused by M1 with CP1 (where Cp1 is the parasitic capaci-

tance at drain of M1). Yoshizawa et al. [5.10] have applied the proposed technique

for a fifth-order leap-frog type active RC ladder filter in the first and second stages

as in the subsequent sections; the blocker level would have already been reduced

(see Fig. 5.9g).

Hollman et al. [5.11] have described a dual-mode band-pass filter for PDC and

WCDMA. In PDC mode, the cutoff frequency is 13 KHz and a third-order filter will

be required whereas in the WCDMA case, a fifth-order Butterworth filter with

cutoff frequency 2.1 MHz will be needed. The complete circuit of the filter is

presented in Fig. 5.10a.
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Fig. 5.8 (a) Amplitude comparator schematic, (b) schematic of the amplifier, and (c) schematic of

the biasing circuit (Adapted from [5.9] #IEEE 2007)
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Fig. 5.9 (a) Dynamic range adapting channel filter system schematic, (b) first-order opamp RC

filter with bias control loop, (c) level detector circuit, (d) opamp using Class AB output stage,

(e) fully differential class AB output stage with variable bias current, (f) two-stage folded cascode

amplifier with compensation network, and (g) fifth-order leap-frog opamp RC ladder filter

(Adapted from [5.10]#IEEE 2007)



Fig. 5.9 (continued)
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The filter is based on the leap-frog ladder technique. In PDC mode, the second

and third opamps are disconnected and powered down. A gain of 18 dB was imple-

mented in the filter. The first opamp bias current was twice that of the other opamps

so as to reduce distortion. The opamp is presented in Fig. 5.10b with PMOS input

transistors for low noise design. The opamp is Miller compensated with RHP zero

nulling resistors realized using NMOS transistors. The GBW was made program-

mable. In the PDC mode, the bandwidth is lower and therefore the bias current can

be reduced. This is done by switching the width of the PMOS current source

transistors (see Fig. 5.10b). The corner frequency was made tunable using PCAs

for capacitors. Five-bit tuning was used. The capacitors were shared between the

two modes. As a consequence, the resistor spread will be higher between the two

modes. Large resistors were realized using T networks.

Fig. 5.9 (continued)
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Fig. 5.10 (a) Dual-mode bandpass filter schematic, and (b) opamp used in (a) (Adapted from

[5.11] #IEEE 2001)
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5.3 Active RC Filters for ADSL

A fourth-order Chebychev high-pass filter for asymmetric digital subscriber line

(ADSL) and VDSL receivers in a 65 nm CMOS process has been described by Lin

et al. [5.12]. The ADSL signal spectrum at the customer premises equipment (CPE)

is shown in Fig. 5.11a. This uses frequency division multiplexing with DMT

(discrete multitone) signaling. The upstream band exists from 25 to 276 KHz. The

analog front-end architecture for ADSL/VDSL application is shown in Fig. 5.11b

which contains a high-pass filter in the receive path to allow only the downstream

frequency band. The long loop with bridged taps of about 15,000 ft. attenuates the

receive in-band signal from the local transmitter. The front-end needs to perform

echo cancellation for the signal from the local transmitter (25–138 KHz) signal

which may be large due to the ineffective hybrid function. The presence of HPF

reduces the echo signal. The high-quality LC filters conventionally used are costly

whereas the low-quality LC filters generate noise pickup and are nonlinear. More-

over, this LC high-pass filter is not tunable to support various ADSL modes (Annex

A, B, M) which have different frequency bands [5.13]. State-of-the-art systems use

very high bit rate DSL (VHDL) which may extend up to 17-MHz frequency band for

which a high-pass filter may not be necessary in the case where there is no trans-

mission in the 28–138 KHz band. However, the passive high-pass filter cannot be

bypassed. The active version of theHPF features low noise the same as that of the LC

filter in the range 2–3 nV/√Hz and cutoff frequency of 140 KHz.

The Lin et al. architecture [5.12] uses innovative techniques to reduce the noise.

The evolution of their architecture is sketched in Fig. 5.11c. The top architecture

uses integrators and resistive feedback. The architecture shown in the middle uses

capacitive feedback so that the noise contribution of the resistors R0, R1, R4, R6, R8,

andR10 in topology 1 does not exist in this case. The topology in the bottom shown in

Fig. 5.11c uses capacitive feedback and also feedforward in order to realize trans-

mission zeroes. Scaling for minimum noise can be done by scaling the capacitors

properly. The authors have shown that the third topology requires half the capaci-

tance of topology 2 and one fourth that of topology 1.

The complete circuit of the fully differential filter is shown in Fig. 5.12a. Note that

the gain of the filter is programmable from�12 to 30 dBwith a 6 dB step by changing

the capacitor ratio Co/C1. The four integrator resistors vary with the gain control to

maintain the dynamic range. The corner frequency of the filter is variable from 160,

320, and 640KHz and is also fine tunable from�30% to 40%with a 10% step to cover

process variation. All tuning is done by programming R3, R5, R7, and R9. Filter

dynamic range is programmable by varying integrator resistors and capacitors C8

and C10 to support PAR (peak-to-average ratio) of 6.5–7.3. The summing amplifier

(see Fig. 5.12b) is a two-stage amplifier. A combination of cascode compensation and

Miller compensation has been used. Compensation capacitors track the changes in the

programmable gain in order to maximize the closed-loop bandwidth. A PMOS input-

type differential amplifier with a small gate area has been used to reduce the noise.
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Fig. 5.11 (a) ADSL CPE frequency spectrum, (b) AFE block diagram, and (c) fourth-order single

loop HPF topologies (resistive feedback, capacitive feedback, modified capacitive feedback)

(Adapted from [5.12]#IEEE 2009)
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The NMOS devices M8, M9, M19, and M20 in the common mode feedback path use

emitter degeneration to reduce their flicker noise.

The RC time constant variation by� 30% over process and temperature is taken

care of by having a frequency control loop. A relaxation oscillator shown in

Fig. 5.12c is used to generate an oscillation frequency proportional to 1/RoCo.

These devices are matched with those in the filter. The resistors are tuned using a

3-bit control for a tuning accuracy better than 10%. The RC time constant is

extracted and converted to digital form using a counter running at a known crystal

oscillator frequency.

Fig. 5.12 (a) HPF top-level diagram, (b) summing amplifier schematic, and (c) RC-based

relaxation oscillator showing timing of discrete resistor (Adapted from [5.12] #IEEE 2009)
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5.4 Active RC Filters for Software Radio

Giannini et al. [5.14] have described flexible base-band analog circuits for software

radio front-ends. The architecture of their chip presented in Fig. 5.13a uses switch-

able opamps (SOA) shown in Fig. 5.13b which can be switched off and whose

bandwidth can be programmed using a PCA for the Miller capacitor. Several SOAs

can be connected in parallel to realize a flexible opamp. The common mode signal

is obtained by using programmable resistors Rcmfb (see Fig. 5.13c). The flexible

opamp (FLOA) features reconfigurable bandwidth, dynamic impedance scaling,

and power scalability. A sixth-order filter comprising two active Gm-RC cells and

one Rauch filter are used as shown in Fig. 5.13d. The Rauch cell improves the

linearity whereas the active Gm-RC cells have a limited linearity due to the lack of

virtual ground. The power will not scale with the change in cutoff frequency of the

Rauch filter whereas in the active Gm-RC filter, the unity gain bandwidth scales

with the cutoff frequency. The variable gain amplifier (VGA) is made up of two

gain stages using programmable resistor arrays and one of the stages can be

bypassed if needed (see Fig. 5.13e).

Fig. 5.12 (continued)
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5.5 Active RC Filters for Other Applications

Tekin et al. [5.15] extended the well-known noise shaping techniques used in

oversampled A/D converters to active filters. They observe that FDNR-based filters

can be designed to shape the noise due to resistors and opamps so that the noise is

high-pass in nature and lies outside the pass-band. The architecture of a third-order

Fig. 5.13 (a) Analog base-band section for software-defined radio front-end, (b) switchable

Miller opamp, (c) simplified structure of FLOA (flexible opamp), (d) flexible low-pass filter

using Gm-R-C and active RC Rauch sections, and (e) variable gain amplifier (VGA) (Adapted

from [5.14] #IEEE 2007)
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Fig. 5.13 (continued)
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prefilter is shown in Fig. 5.14a which results in low noise and high dynamic range.

A mixer precedes the third-order elliptic filter in the receiver as shown in

Fig. 5.14b. The resistor R1 belongs to the mixer and also serves as part of the filter.

The transfer function of this filter of Fig. 5.14b can be derived as

Vo

Iin
¼ Rf s2 DRz þ1ð Þ

s3 DRz Rf Cf þ s2 ðDRz þDRf Þ þ s Rf Cf þ1
(5.2)

where D ¼ C1 C2 R1 R3

R2
. It can be shown that the noise transfer functions of resistors

R1, R2, and R3 are high-pass-shaped. The noise of resistor Rz is second-order and

hence can be ignored. The noise due to opamp1 and opamp2 are dominated by the

“s” term in the numerator of the third-order transfer function. The total integrated

noise can be reduced by choosing a small C1 value. However, scaling for optimal

dynamic range within the FDNR block so as not to saturate opamp1 and opamp2

necessitates a larger value of C1. The advantage of noise shaping is that the design

can use large resistors and reduce the capacitance leading to a low chip area.

The second stage—post-mixer amplifier (PMA)—uses the topology of

Fig. 5.14c which is based on an instrumentation amplifier. In this, an asymmetric

FDNR (AFDNR) is used. In this case, the current at one port satisfies the V–I

relationship of a FDNR whereas the other port is connected to the opamp output as

shown. This configuration helps to attenuate the blockers while still maintaining a

low input referred noise for the PMA section. The transfer function of the instru-

mentation amplifier of Fig. 5.14d can be derived as

Fig. 5.13 (continued)
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Fig. 5.14 (a) Block diagram of filter cascade employed in mobile TV tuner, (b) single-ended

schematic of the third-order elliptic filter at the mixer output, (c) amplifier with AF(asymmetric

floating) FDNR feedback, (d) fully differential implementation, and (e) folded cascode class AB

opamp schematic (Adapted from [5.15] #IEEE 2009)



Fig. 5.14 (continued)
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Vo

Vin
¼ 1þ Rf s2 DRz þ1ð Þ

Rin s3 DRz Rf Cf þ s2 ðDRz þDRf Þ þ s Rf Cf þ1
� � (5.3)

At low frequencies, this reduces to 1 + (Rf/Rin). The folded-cascode based

opamp schematic used in this design is presented in Fig. 5.14e which has a class

AB output stage.

Ozgun et al. [5.16] have discussed techniques for power optimization of active

filters and have suggested guidelines for designing filters for zero-IF receivers.

Depending on the received input signal level, the power dissipation can be dyna-

mically adjusted. Two filters can be optimized for different dynamic ranges and one

of these can be selected. However, there can be transients during switching from

one filter to another. Ozgun et al. [5.16] have suggested dynamic impedance scaling

and dynamic biasing techniques that will ensure that the power is dissipated only at

a level needed to process the signal at hand. They have considered impedance,

noise, and power scaling.

Consider the single OTA-based circuit of Fig. 5.15 which can be realized using

two gms in parallel. The result is increased supply current and increased transcon-

ductance but decreased input referred noise. Consider next, the first-order filter and

its equivalent obtained after impedance and power scaling as shown in Fig. 5.16a, b.

Thus, one can use the circuit of Fig. 5.16b to process low-level signals and switch to

the circuit of Fig. 5.16a when the input signal is higher. Even though the load

impedance of the OTA has been halved, the output linear range of the filter is not

changed since the current driving capability is doubled by the parallel combination

of the two OTA sections.

During the switching from the circuit (a) to (b), in the arrangement of Fig. 5.16b,

it can be seen that by making the proper switching arrangement, transients can be

avoided. The strategy (see Fig. 5.16c) is to switch off the lower circuit when the input

signal is high. When the input signal is low, first ’B is switched on so that the second

circuit is functional and when the signal level is low, jC is switched on, thus

connecting both filters in parallel. In a similar way, when the signal level becomes

high, the lower one can be switched off. Note that the offset of each stage may be

different leading to a voltage jump in the output. This demands that the offsets

be cancelled before connecting the circuits.

Ozgun et al. [5.16] have extended this to many parallel paths using an alternating
divide and conquer technique. This technique needs to be applied to the first stage. A
GSMfilter is consideredwhich needs a fifth-order Chebychev 0.1-dB pass-band ripple

and 100-KHz cutoff frequency using the leap-frog ladder technique. This filter is

shown in Fig. 5.16d together with the new concepts implemented in the first stage.

Note that two gain elements are used: one after the first stage and another in the

feedback input to the first stage. This will ensure that the interferers would have been

filtered enough in the first stage and hence the signal can be amplified thereafter. The

dynamic impedance scaling in the first stage and the suitable interstage gain are

implemented as shown in Fig. 5.16f. The upper forward path has a gain of þ24 or

�24 dB whereas the lower path has a gain of 0 dB. For weak and strong signals, the
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upper path is used and for medium signals, the lower path is used. Overall the first

stage has 64 OTAs and different capacitor and resistance values. The OTA used is

presented in Fig. 5.16e which is a fully balanced two-stage design. Transistors M1A,

M1B, M2A, M2B, and M5 form the first stage. A replica of this stage is used in the

common mode feedback circuit comprising transistorsM8,M6A,M6B,M7A, andM7B.

Note that the loads of the commonmode feedback stage are diode connected. The gate

source voltage of M7B sets the biasing of the loads of the input stages M2A and M2B.

The output stage is a common source stage formed byM4A,M3A, M3B, andM4B with

Miller compensation using CCA, CCB, and transistors MCA and MCB. The common

mode signal is detected using resistors RCMA and RCMB of 320 K ohms in parallel with

two capacitors 50 pF. The output common mode voltage is set at 0.4 V. The input

devices are large for reducing 1/f noise contribution of these devices.
Thyagrajan et al. [5.17] have described a class of active RC filters known as “gm-

assisted filters.” The basic principle is similar to NIC-based compensation to

achieve a real ground at the virtual ground terminal of the integrator. In the

Thyagarajan et al. technique, currents are injected into the output terminal of the

integrator block (see Fig. 5.17a) in order to make Vx zero. Analysis of the circuit

taking into account the load resistance, input capacitance, and load capacitance (see

Fig. 5.17b), we can obtain Vx as

Vx ¼ G1 ðGLþsðCþCLÞÞVin�sCIassist
s2 ðCCLþCx CLþCCxÞþ sðG1 ðCþCLÞþGL ðCþCxÞþCGOTAÞþG1 GL

(5.4)

Note that Vx can be made zero under the condition (numerator of (5.4) becoming

zero)

Iassist ¼ G1 1þ CL

C

� �
Vin þGL G1

sC
Vin (5.5a)

Fig. 5.15 Comparison of

input referred noise of a

single OTA and two OTA

in parallel (Adapted from

[5.16] #IEEE 2006)
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Fig. 5.16 (a) First-order active RC filter, (b) filter of (a) after impedance and power scaling,

(c) switching procedure for dynamic impedance scaling in a first-order RC filter, (d) fully

balanced active RC implementation of a fifth-order leap-frog Chebychev low-pass filter, (e)

fully balanced two-stage OTA design with common mode feedback, and (f) filter system block

diagram (sct means section) (Adapted from [5.16] #IEEE 2006)
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Fig. 5.16 (continued)
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Noting that once Vx is zero, Vo ¼ �G1/(sC), we have from (5.5a),

Iassist ¼ G1 1þ CL

C

� �
Vin �GLVout (5.5b)

The transfer functions considering Iassist ¼ Vina � Vob can be derived as

Vo¼ sðCG1�ðCþCxÞaÞ�G1 ðGOTA�aÞ
s2 ðCCLþCx CLþCCxÞþsðG1 ðCþCLÞþðGL�bÞðCþCxÞþCGOTAÞþG1 ðGL�bÞ

(5.6a)

and

Vx¼ sððCþCLÞG1�aCÞþG1 ðGL�bÞ
s2 ðCCLþCx CLþCCxÞþsðG1 ðCþCLÞþðGL�bÞðCþCxÞþCGOTAÞþG1 ðGL�bÞ

(5.6b)

Fig. 5.16 (continued)
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It is therefore necessary to generate the two currents using gm blocks denoted as

assistant transconductors. Thyagarajan et al. [5.17] have demonstrated that the

linearity of the filters can be increased due to reduction inVx. They have also observed

that the noise contribution of the additional circuitry (assistant transconductors) is

insignificant. The reader is referred to [5.17] for more detailed analysis.

Fig. 5.17 (a) Gm-assisted Active RC section, (b) integrator using (a), (c) OTA embedded in active

RC filter, (d) folded cascade OTA needed in (c), and (e) bias generator schematic that servos the

transconductance of the assistant (Adapted from [5.17] #IEEE 2011)
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The opamp used is a single-stage folded cascode opamp with CMRR rejection

circuit as shown in Fig. 5.17d. The cascode connection helps to increase the output

swing capability. Note that in the biquad based on the two-integrator loop, a section

of which is shown in Fig. 5.17c, i1 and i3 need to be summed at the virtual ground and

the output of the opamp needs to drive i2 to the next lossless integrator. Thus the

assistant produces i1 þ i2 þ i3. These assistant currents are generated by three

Fig. 5.17 (continued)
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OTAs with transconductance 1/R excited by Vp1,m1, Vp2,m2, and Vp3,m3. The opamp

uses the PMOS input stage in order to reduce the noise. M2 and M3 are NMOS and

PMOS cascodes, respectively. The CMFB loop is formed by M6 – M10. A resistive

common mode detector rcm is used. The CMFB circuit injects currents at the sources

of M2 through M6b1,2 and furthermore it varies the gate voltages of M4a,b. The

assistant OTAs are formed by Max1–Ma1, Max2–Ma2, Max3–Ma3, and Mbx1–Mb1,

Mbx2–Mb2, Mbx3–Mb3 pairs. Ma1–Ma3, Mb1–Mb3 operate in the triode region and

Max1–Max3, Mbx1, Mbx3 operate in the saturation region. Note that Mab, Mab4 add a

current to the CMFB circuit so thatM9,M10 operate in a similar manner to that ofM3

andM4. The gm ofMax1 tracks R by deriving VGM from a control loop that servos to

make Gma ¼ 1/R. Note that the assistant currents are injected into the sources ofM2

so that they do not have low output impedance, otherwise needed, if we inject these

into the output terminals of the opamp.

The resistor servo loop is shown in Fig. 5.17e. It can be seen that Iy – Ix ¼ I1 and
gm(Vgst2 – Vgst1) ¼ I1Rgma ¼ Iy – Ix ¼ I1 thus making Rgma ¼ 1. The transistors

Mx1, Mx2 are identical to Max1 and Mb1 so that VGM generated in the bias generator

of Fig. 5.17e can be distributed to all OTAs in the filter. The drain voltages of Mt1

and Mt2 are equal due to the high gain opamp A1.

5.6 Gm-C Filters for Wireless Applications

Bagbahani et al. [5.18] described a variable bandwidth band-pass filter for a fully

adaptive wireless local area network. The block diagram is presented in Fig. 5.18a.

The pass-band is selectable—625 KHz, 2.5MHz, or 10MHz—with a stop-band that

exceeds 100 MHz. The filter attenuates the incoming signals farther than 100 MHz

away with 50 dB attenuation. In order to have a symmetric band-pass response, the

authors use a fifth-order LP elliptic filter cascaded by a third-order Chebychev high-

pass filter. The largest pole-Q thereby reduces to 6.9 in LPF and 1.3 in HPF whereas

the LP–BP transformation type band-pass filter has a pole-Q of 7.8 for the pole pairs.

The HPF fixes the lower edge whereas the LPF fixes the upper band edge.

A gm of a MOS differential pair may be changed by bias current. But it does not

provide high linearity and the tuning range is limited. AMOS resistor may be used for

voltage-controlled degeneration but the available triode region limits the tuning range.

For high linearity, aMOS transistormaybe paddedwith afixed linear resistor that limits

the range of Gm variation. In a technique called “soft switching,” a ladder of padded

MOS degeneration widens the gm tuning range while maintaining good linearity.

The gm used is presented in Fig. 5.18b where MN3 operates in the triode region

as a voltage-controlled resistor. For greater voltage headroom, the bias current

source is removed at the expense of CMRR. The active load is a MOSFET. The

dc gain voltage of the basic gm can be boosted by connecting a negative conduc-

tance stage implemented by a cross-coupled gm placed in parallel with the output of

the main transconductor. The authors have used three types of conductances as
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Fig. 5.18 (a) Block diagram of receiver, (b) variable transconductor based on degenerated

differential pair, (c) negative conductance, auxiliary switched negative conductance, and switched

positive conductance, (d) variable gm used in low noise LPF, (e) variable gm used in low power

LPF and HPF, (f) prefilter AGC, (g) HPF using amplifier with LPF in the feedback path, and

(h) details of HPF (Adapted from [5.18] #IEEE 2000)



Fig. 5.18 (continued)

480 5 Practical Designs of VLSI Analog Filters



shown in Fig. 5.18c: (a) fixed negative resistance, (b) switchable negative resis-

tance, and (c) switchable positive resistance.

The complete gm circuit used in the low noise LPF (Gm,H) is shown in Fig. 5.18d

and low power gm (Gm,L) used in low-power LPF and HFP is shown in Fig. 5.18e.

The latter has higher noise. TheGmL includes several stages of variable degeneration

to expand the range without giving up linearity. At any time, only one MOSFET is

on and its gain control varies from 1.6 to 3.3 V. The range of degenerated gm overlaps
so that a continuous sweep of 50% of gm is realized. The LPF is based on a doubly

terminated ladder filter with inductances realized using gyrators and capacitors.

In order to optimize the noise performance, the authors suggest the scheme of

Fig. 5.18f where all the signal peaks at all nodes are detected. If the peak value

exceeds some limit, then the input gain is scaled through variable gain PGA. Noise

scaling is done next by scaling up the gms and filter capacitors together with a bias

current which proportionately decreases the noise spectral density. Both Gm and C
are tuned so that the noise spectral density is constant with tunable frequency.

The HPF is realized using the configuration of Fig. 5.18g by putting a LPF in the

feedback path of a 45-dB switchable gain stage. At high frequencies, there is no

feedback and hence the gain is gmARL. At low frequencies, the OTA gL appears as
a resistor 1/gL. When RL � 1/gL, the dc gain is smaller. Actually, the LPF is

Fig. 5.18 (continued)
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second-order only. The capacitor CZ creates a transmission zero so that an overall

third-order response is realized as shown in the complete circuit of Fig. 5.18h.

The CMFB circuit is presented in Fig. 5.19a. The common mode signal is

detected by MN5–MN6 and MP3 and compared with Vref to amplify the error

using MP3, MP4, and MN7–MN8. The CMFB output feeds all the PMOS load

transistors. Note also that each OTA need not have a CMFB loop which may cause

instability since in many places, outputs of Gms are connected. Hence, all active

nodes connecting to an output node are merged and driven by CMFB signal.

The chip contains frequency and Q tuning loops. The VAFC biases the gates of

the active degeneration FETs in the Gm block (see Fig. 5.19b) and sets the

transconductance. The digital word from 5-bit U/D counter sets the PCA. The

PLL is conventional with a phase frequency detector, charge pump, and a series

RC filter for compensation. Note that VAFC will increase until the upper limit,

assuming that fVCO is initially much less than the frequency output of the divider fo.
Then, the comparator trips and the logic decrements the PCA. The ALC (automatic

level control) loop (see Fig. 5.19c) controls the oscillation amplitude by changing

the negative resistance in the OTA.

Lo et al. [5.19] have described a Gm-C filter with a wide tuning range for a

multimode direct conversion wireless receiver. The tuning encompasses Bluetooth

(650 KHz), CDMA 2000 (700 KHz), wide-band CDMA (2.2 MHz), IEEE 802.11a/g

(10 MHz), IEEE 802.11b (12 MHz), and IEEE 802.1n (20 MHz) wireless LAN

applications. These specifications cover the range 650 KHz–20 MHz. A tuning ratio

of Gm of 30 is required. However, taking into account all the tolerances and

temperature variations, a tuning range of 50 is required. A high linearity trans-

conductor with a wide transconductance range shown in Fig. 5.20a has been

employed. In this, the linear V-I conversion is performed first using resistors R1a

and R1b and then the transconductance is varied using the translinear loop formed

by the current multiplier composed of transistors M1–M4, resistors R1a and R1b and

the current source Itune. Transistors M1 and M4 are biased in the weak inversion

region. It can be shown that the transconductance is given as Gm;sat ¼ nVT

ffiffiffiffiffiffiffiffiffiffiffi
k3;4Itune

p
Vcm

where k ¼ mCox
W
L and Vcm is the common mode voltage, VT is the thermal voltage.

It can be seen that the transconductance can be adjusted using the current Itune.
The complete transconductor is presented in Fig. 5.20b showing the CMFB circuit

composed of transistors MF1–MF8. The feedback loop forces the output common

mode voltage to the desired value. The block diagram of the third-order

Butterworth filter is presented in Fig. 5.20c consisting of seven identical

transconductors. The transconductance is programmable and has a nominal value

of 50mS. Automatic tuning of frequency is not incorporated.

Saari et al. [5.20] have described a CT low-pass filter with variable gain in 65 nm

CMOS for an UWB radio receiver. This used 1.2 V supply voltage which necessitated

the use of a pseudodifferentialGm-C technique in order to achieve a largebandwidth as

well. The fifth-order filter architecture is shown in Fig. 5.21a which comprises a front-

end first-order filter realized byR1 andC1 fed with input current. This is followed by a

fourth-order low-pass filter based on a leap-frog ladder. The finite output resistance of

the variousGms has been taken into account for synthesizing the L and C values of the
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Fig. 5.19 (a) CMFB amplifier, (b) automatic frequency control loop, and (c) automatic level

control loop (Adapted from [5.18] #IEEE 2000)
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Fig. 5.20 (a) Wide tuning range transconductor conceptual diagram, (b) complete implementa-

tion of (a), and (c) third-order Butterworth filter (Adapted from [5.19] #IEEE 2009)
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Fig. 5.21 (a) Fifth-order pseudo differential Gm-C low-pass filter, (b) prototype LC ladder filter

with extracted real pole, (c) single-ended Gm-C filter with scaling factors ki, (d) transconductors
with CMFF and CMFB circuit, (e) gain control slice from the input transconductor Gm1, (f) bias

circuit for error compensation, and (g) 5-bit switched capacitor matrix (Adapted from [5.20]

#IEEE 2009)
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filter. The nonideal filter is as shown in Fig. 5.21b, c showing various parasitic losses.

Note that all the integrators have a fixed gain of 26 dB. The pseudo differential OTA is

presented in Fig. 5.21d. This has both input common mode feedforward and feedback

compensation. This uses NMOS input transistors to reduce the parasitic capacitance at

the input terminals. It employs PMOS current source loads. Grounded negative

resistance has been connected at the output of each gm so as to enhance the dc gain

to the desired 26 dB in the presence of process variations. The transistors M11–M14

realize the negative resistance. The tuning of these is accomplished by varying the

gate-source voltage of the degeneration transistorsM13 andM14.

Fig. 5.21 (continued)
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In order to achieve high-input CMRR, a transconductor formed by M3 and M4

replicates the input transconductor formed byM1 andM2 and subtracts current from

that of the input transconductor formed by M1 and M2. The output CMFB injects

current through the transistor M6 to the input transconductor. The output CMFB

employs the transistors M7 –M10 by again using replica-based error detection.

The transistor M5 is provided the common mode reference voltage. There can be

mismatch in the PMOS current mirrors in the transconductor that can be taken care

of by the circuit (see Fig. 5.21f) which generates the replica of the current mirror

error and subtracts it from the transconductor output currents. The transconductors

M20, M21, M22, and M23 are copies of the transconductors in the transconductor

core. The generated VERROR is fed to the transistorM5 to obtain the correct current.

The filter gain is controlled from 9 to 43 dB in 1 dB steps by using five 6-dB gain

steps and five 1-dB gain steps. The transconductor Gm1 (see Fig. 5.21a) includes the

6-dB gain steps whereas the 1-dB gain steps are implemented in the output buffer.

The 6-dB gain steps are realized by using six binary weighted transconductors

which can be appropriately switched. In order to keep the frequency of the pole the

same, dummy Gms are switched with the input disconnected (see Fig. 5.21e). In

addition, the corner frequencies of the passive pole and fourth-order filter are

tunable using capacitor arrays in place of each grounded filter capacitor. Five-bit

tuning is possible for these binary weighted capacitor arrays (see Fig. 5.21g).

Oskooei et al. [5.21] have described a CMOS continuously tunable channel

select filter for WLAN and WiMax receivers. This covers the frequency range

8.4, 11, and 11.2 MHZ for 802.11a, 802.11b/g (WLAN), and 802.16 (WiMax).

As the supply voltage shrinks and the threshold voltage is not reduced at the same

rate, the tuning range of MOSFET-C filters is lowered. Gm-C filters suffer from

low linearity but they offer high cutoff frequencies and continuous tunability. UGB

and cutoff frequency are the same in Gm-C low-pass filters and hence they consume

less power than active RC or MOSFET-C filters. Hence, the authors have used

the well-known two-integrator loop-based OTA-C biquad of Fig. 5.22a. They have

used NMOS transistors to serve as the various Gms due to which the parasitic poles

occur only at very high frequencies where nonquasi-static behavior is significant.

Power consumption also can be minimized. The complete circuit of the biquad is

shown in Fig. 5.22b. Note that M1 and M2 realize Gm1 whereas M3 and M4 realize

Gm4. Both convert voltages into currents and pump into BPN and BPP nodes. The

negative sign of Gm4 is realized by cross-connecting the differential input signals.

The transistors M5 and M6 are in common-gate configuration and present a resis-

tance of 1/Gm5 and 1/Gm6 at BPN and BPP nodes analogous to Gm2 in the circuit of

Fig. 5.22a. They also drain the currents Gm5VBPN and Gm6VBPP from the BPN and

BPP nodes and buffer those to the output nodes performing the function of Gm3 in

Fig. 5.22a. Thus, one transconductor is eliminated thereby saving power. Evidently

Gm2 ¼ Gm3 because of both of these are being realized by M5 and M6. The source

followers M15 and M16 shift the dc level of OP and ON voltages. The devices M21,

M22, M13, and M14 implement the output common mode feedback loop. It can be

shown that the pole-frequency, pole-Q, and gain are approximately given as
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Fig. 5.22 (a) Gm-C low-pass biquad, (b) biquad circuit schematic, (c) schematic of linear biquad,

(d) CMFB circuit, (e) capacitor arrays for C1 and C2, and (f) bias circuit of the filter (Adapted from

[5.21] #IEEE 2011)

488 5 Practical Designs of VLSI Analog Filters



o2
o ¼

gmf gm6
C1 C2

; Qp ¼
ffiffiffiffiffiffiffiffiffiffiffiffiffiffi
gmf C2

gm6 C1

s
and Adc ¼ gmin

gmf
(5.7)

whereGmf ¼ Gm4. Due to sharing of the CMFB loop among all OTAs, considerable

area and power can be saved.

Fig. 5.22 (continued)
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Oskooeoi et al. [5.21] suggested a modification as shown in Fig. 5.22c that will

help to improve the linearity. This is achieved in principle by bringing the differen-

tial pairs into the feedback loop. Note that the difference between Fig. 5.22b, c is in

the connection of the input and feedback differential pairs. The common mode

feedback circuit used in the configuration of Fig. 5.22c is shown in Fig. 5.22d. The

input voltage swings of both differential pairs is smaller than that in the circuit of

Fig. 5.22b. Note also that the resistors R provide additional degeneration so as to

improve the linearity at high frequencies.

The cutoff frequency can be tuned coarsely by using programmable capacitors

for C1 and C2 as shown in Fig. 5.22e. Note that to conserve area, the capacitors C2

are connected in a differential mode. The fine tuning is carried out by the bias

circuit shown in Fig. 5.2f which is used to change the transconductances Gmf and

Gm5,6 by equal factors. This is achieved by changing the bias current Iref.
D’Amico et al. [5.22] have suggested the use of source follower-based biquads

for WLAN application. Such a biquad is shown in Fig. 5.23a. Note that the devices

M2 and M3 provide positive feedback thus realizing complex poles. The small

signal equivalent half circuit is shown in Fig. 5.23b from which the approximate

transfer function can be obtained as

HðsÞ ¼ 1

s2 C1 C2

G2
m

þ s C1

Gm
þ 1

(5.8)

considering the output conductances of the transistors are negligible compared to

Gms and choosing Gm1 ¼ Gm2 ¼ Gm3 ¼ Gm4 ¼ Gm. Thus a biquad with Q depen-

dent on the ratio of capacitors can be realized. In order to meet the low power

supply requirement, a folded version of the circuit of Fig. 5.23a is also used as

shown in Fig. 5.23c which has increased power consumption due to additional

current branches. A fourth-order Bessel filter based on the biquad of Fig. 5.23c is

shown in Fig. 5.23d. The first and second cells are made up of PMOS and NMOS

devices so that the input common mode voltage difference can be compensated.

Chamla et al. [5.23] have described a third-/fifth-order Gm-C band-pass filter

with tunability for GSM as well as W-CDMA applications. The bandwidth for

GSM application is about 115 KHz whereas for W-CDMA it is 2 MHz. A third-

order and fifth-order low-pass filter will suffice for these applications. The authors

use the topology of Fig. 5.24a based on gyrators that can share the same hardware so

that the area can be minimized. The Butterworth implementation of a fifth-order

filter needs capacitors of values 0.618, 1.618, 2, 1.618, and 0.618 whereas the third-

order filter needs 1, 2, and 1. Hence by augmenting the third-order Butterworth filter

values, the fifth-order filter can be realized. The wide ratio between bandwidths

needed for GSM and W-CDMA applications of 25 requires the tunability of Gm

over such a wide range. The authors use a MOS transistor in the triode region of

operation for realizing the transconductor.

The basic transconductor principle is illustrated in Fig. 5.24b. The transcon-

ductance is realized by M1 and its Gm is directly proportional to VDS:
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Fig. 5.23 (a) Biquadratic cell based on source followers, (b) half small signal equivalent circuit

for the differential mode, (c) folded version of (a), and (d) fourth-order filter schematic (Adapted

from [5.22] #IEEE 2006)
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Fig. 5.24 (a) Third-/fifth-order switchable Butterworth Gm-C low-pass filter basic configuration (top)
and optimized implementation (bottom), (b) principle of linear tunable transconductor, (c) implementa-

tion of accurate Gm ratio division, and (d) schematic of the VCO (Adapted from [5.23]#IEEE 2007)



ID ¼ mnCox
W

L
VGS �VT �VDS

2

� �
VDS (5.9a)

Gm ¼ @ ID
@ VGS

¼ mnCox
W

L
VDS (5.9b)

Thus, tuning VDS necessitates VDS going down to zero. M2 acts as a cascode

transistor that reduces the swing at VA. The device M4 acts as source follower and

M3s provide voltage gain. The control voltage is fed toM4b. Assuming matching of

all pairs of transistors,M3a andM3b,M4a andM4b, it can be observed that VA ¼ VC.

The authors propose a master–slave tuning technique illustrated in Fig. 5.24c

based on a transconductance division scheme. This uses two transconductors Gm1

and Gm2 one of which (Gm1) is matched to the transconductance in the VCO and

another (Gm2) is matched to those in the Gm-C filter. A divider produces a voltage

V2/N from the input voltage V2. A feedback loop makes Gm2V2 ¼ Gm1V2/N so that

Gm1/Gm2 ¼ N. Thus division by N is achieved by using a MDAC. Note that the Gm

variation as a function of input level as well as the offsets of both paths affects the

accuracy of the tuning loop. The authors have used a10-bit MDAC. Thus for a

maximum input of 500 mV, the offset needs to be less than a few mV. This is

achieved by using large input transistors M3a and M3b. The VCO structure is based

on the two-integrator loop as shown in Fig. 5.24d. The negative and positive

resistances control the oscillation amplitude by compensating the finite output

resistance of the OTAs. The VCO frequency used was 2.5 MHz.

D’Amico et al. [5.24] have proposed an active Gm-RC approach that exploits the

opamp pole in the transfer function realization for dual mode base-band filter for

WLAN (11MHz) and UMTS (2.11MHz) applications. This is based on a cascade of

two second-order cells. The filter shares the capacitors and opamps in both modes

thus saving area while maintaining the same linearity and low noise. A calibration

circuit is employed to adjust the cutoff frequency deviation. The architecture of

the cell (Fig. 2.26f) is redrawn for convenience together with the internal structure

of the opamp and showing all the parasitics in Fig. 5.25a. Note than an adjusting

circuit is required to set Gm1 ¼ 1
kg R1

so that the filter parameters are dependent on

Fig. 5.24 (continued)
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Fig. 5.25 (a) Active Gm-RC biquadratic cell with internal parasitics, (b) fourth-order

reconfigurable filter structure based on (a), (c) opamp schematic, (d) schematic of adjusting

circuit, and (e) calibration circuit (Adapted from [5.24] #IEEE 2006)
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resistors R1, R2 rather than onGm1. The transfer function of the low-pass filter can be

derived as

Vo

Vin
¼

1

kg R2
1 C1 Cc

� �

s2 þ s
R1 þR2

C1 R1 R2

� �
þ 1

kg C1 Cc R1 R2

(5.10)

The fu/fLP for this design is lower than 2 meaning that the opamp bandwidth need

not be very high. This reduces the power consumption. The RC network filters the

high level of out of band blockers. A tuning system is used to tune the opamp

frequency response. The complete filter architecture is presented in Fig. 5.25b. Note

that the filter can be reconfigured using the single selection bit “SS”. The opamp

implementation is presented in Fig. 5.25c. The transistorsM1 andM2 form the input

differential pair realizing Gm1 and transistors M5 and M6 realize Gm2. The CMFB

circuit is implemented using another differential amplifier as shown in Fig. 5.25c.

A Miller compensation scheme using Rc and Cc is employed. The size of the input

devices, current levels, Rc and Cc, are controlled by the standard selection bit in

order to reduce the power consumption in the UMTS case. The adjusting circuit is

shown in Fig. 5.25d. It correlates the transconductance variation of the input

transistors Gm1 with the variations in external resistances around the opamp.

Fig. 5.25 (continued)
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It forces Gm1 to be proportional to 1/RREF by regulating the current of the input

stage. The matching betweenMb1,M1, andM2 is guaranteed. The resistance RREF is

matched with the resistances in the filter. Note that M1, M2 operate with same

current density as Mb1. Thus the transconductance of M1 and M2 is proportional to

1/RREF. In addition, the process-related variations of R and C values may necessi-

tate tuning which is carried out by using programmable capacitor arrays whose

value is set by an on-chip calibration circuit shown in Fig. 5.25e. It is based on a

comparison between an isolated time constant RC and a precise external clock

period. A 4-bit code is used to be fed to all the PCAs. After calibration is performed,

this circuit can be switched off to conserve power.

Matteirs et al. [5.25] have described a fourth-order analog base-band filter for

telecomm applications (see Fig. 5.26b) that can operate with a 0.55 V dc voltage

supply. This filter, denoted as an active-Gm-RC filter, is based on the amplifier finite

pole. A second-order section uses minimum components: one opamp, one capacitor,

and two resistors. At low supply voltages, the large overdrive needed for an open loop-

type Gm-C filter is a disadvantage that limits the dynamic range. The relationship

between supply voltage, MOS threshold voltage, and minimum channel length is

shown in Fig. 5.26a. Hence, closed loop circuits have been recommended. The chosen

active Gm-RC configuration of Fig. 5.25a exhibits good linearity and low noise.

The input common mode feedback technique shown in Fig. 5.26c is suggested to

reduce the input common mode voltage to slightly less than VDD/2. This uses two

current sources formed by MB1 and MB2. These force the virtual ground terminal

voltage Voa,dc to a value lower than VDD/2 while maintaining Vi,dc ¼ Vo,dc ¼ VDD/2:

Voa;dc ¼ VDD

2
� I1

R1 R2

R1 þ R2

(5.11)

The authors use a Miller compensated 2-stage opamp as shown in Fig. 5.26d. The

output CMFB loop is also shown in Fig. 5.26d which uses a PMOS differential pair.

The commonmode voltage is sensed by resistors Rcm and Rd that can be chosen large.

The input common mode voltage can be sensed at the source of the PMOS

opamp input pair (by the VICNTRL node). The complete filter schematic is presented

in Fig. 5.26e.

D’Amico et al. [5.26] described a multistandard base-band chain for Bluetooth,

UMTS, and WLAN. The overall architecture of this system is presented in

Fig. 5.27a. Since the cellular application is most stringent, the specifications of

the reconfigurable baseband chain are summarized in Table 5.3. The design is

tailored to meet cellular specification thus implying overdesign for Bluetooth and

WLAN applications. The bandwidths of Bluetooth, UMTS, and WLAN are 1, 2,

and 10 MHz, respectively. The RF sections use different power supply voltages

(1.2 V and 2.5 V). A LPF selects the needed bandwidth and has a fixed gain of 4 dB,

a restriction imposed by the tunability of the cutoff frequency. The two PGAs

determine the gain in coarse and fine steps. The PGA is presented in Fig. 5.27b

which uses a differential amplifier stage with resistor degeneration and is

resistively loaded. For small input signals, RG is minimum and RL is maximum,

thereby reducing the input referred noise. For large input signals, RL is maximized

496 5 Practical Designs of VLSI Analog Filters



Fig. 5.26 (a) Supply voltage, MOS threshold voltage versus minimum channel length, (b) zero-IF

receiver block diagram, (c) active Gm-RC cell with input CMFB, (d) opamp schematic, and

(e) complete fourth-order filter (Adapted from [5.25] #IEEE 2009)



thereby decreasing the bandwidth decided by RL and CL. This will help to suppress

the out-of-band tones. The input stage guarantees large in-band linearity.

Transistors M1 and M2, opamps, and resistors RG form a V–I converter. M3 and

M4 form a level shifter. The input voltage is copied on the series impedance of

transconductances Gm1 (of M1) and Gm2 (of M2) and resistors RG. The linearity of

Gm is improved by the large closed loop gain. The opamps in Fig. 5.27b are realized

using the simple differential amplifier of Fig. 5.27c. Three bits are used to control

the gain (two for RL and one for RG) (see Fig. 5.27d). The transistors M9, M10, and

M11 act as switches and do not add parasitic capacitance to the drain and source

nodes of M1 and M2. They are linear due to the reduced swing across them.

The LPF is based on two cascaded active Gm-RC cells described earlier (see

Fig. 5.25a). The PGA2 configuration is shown in Fig. 5.27e. It uses resistorsR1 andR2

Fig. 5.26 (continued)
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Fig. 5.27 (a) Overall receiver architecture, (b) PGA1 circuit, (c) input opamp, (d) gain control

circuit, and (e) detailed block diagram of PGA2 (Adapted from [5.26] #IEEE 2008)
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which are programmable. The signal current does not flow through the switches thus

avoiding the linearity and frequency response accuracy degradation. The two stages

have gains programmable between (10–17.5 dB) and (0–17.5 dB) with a 2.5-dB step.

Chamla et al. [5.27] have described a third-order Gm-C Butterworth filter with a

very wide tuning range from 50 KHz to 2.2 MHz to cover all the communication

standards needed in practice. The commonly used specifications for the single-mode

Fig. 5.27 (continued)

Table 5.3 Reconfigurable baseband chain main requirements (Adapted from

[5.26]#IEEE2008)

Bluetooth UMTS WLAN

IRN (nV/√Hz) 5

DC-gain range (dB) �6 + 68

Bandwidth (MHz) 1 2 10

In¼IIP3(dBm on 50O) 22
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zero-IF receivers for these standards are presented in Table 5.4. The architecture is

shown in Fig. 5.28a where the two parallel filters based on simulation of LC ladders

are used as shown. They share the same grounded capacitors. The Gm values in the

lower and upper filters are ratioed a:1. Hence by using the mode select control bit,

B can be switched off. Defining w I ¼ Gmax/Gmin and choosing the lower filter

attainable highest frequency the same as the lower attainable frequency of the

top filter, the cutoff frequency of the complete filter can change from Gm/(2pC√w)
to Gm w 3/2/(2pC) or fmax/fmin ¼ w2. Thus the OTA needs to have a spread of 6 if the

desired fmax/fmin is about 30.

The transconductance used by Chamla et al. [5.27] is presented in Fig. 5.28b.

Bipolar transistors have higher Gm than MOS transistors for the same bias current

and hence have been chosen for the cascode transistors. The transistors Q1 and Q2

fix the drain voltages of M1 and M2 so that Gm is independent of VGS:

Gm ¼ mCox
W

L
VDS (5.12)

in the triode region of operation. The battery is realized using diode-connected

transistor Q3 in series with resistor Rtune. The CMFB loop is shown in Fig. 5.28c

which uses folding allowing increase of VDS upto 500 mV. M3 and M4 are also

working in the triode region. The transconductor can be switched off by grounding

node B and turning off the PMOS current sources.

Guthrie et al. [5.28] have described a low-IF filter for a dual mode Zigbee/

Bluetooth application. They describe a complex filter using the OTA-C technique

shown in Fig. 5.29b which is derived from the RLC ladder filter of Fig. 5.29a. The top

and bottom blocks realize low-pass filters and the coupling through the gyrators

realizes the complex filter. Effectively, the coupling through the gyrator performs

the transformation s ! (s – joo) leading to the shifting of the low-pass response of the

prototype to a frequency oo. Thus real integrators will become complex integrators:

1

st
! 1

s� jooð Þt (5.13)

Table 5.4 Analog baseband filters commonly used specifications in single-mode zero-IF receivers

(Adapted from [5.27]#IEEE2005)

Parameter GSM Spec. Bluetooth Spec. CDMA2000 Spec. W-CDMA Spec.

Power consumption 3.5 mW 10 mW 7 mW 10 mW

Filter type 3th-order 3/4th-order 3/5th-order 3/5th-order

Cutoff frequency fc ¼ 115 KHz fc ¼ 650 KHz fc ¼ 700 KHz fc ¼ 2.2 MHz

IIP3 þ10dBVp þ18dBVp þ15dBVp þ0dBVp

IIP2 þ35dBVp N/C N/C þ35dBVp

Output DC offset <10 mV <15 mV <15 mV <20 mV

Output noise density 400NV/√HZ 225mV/√HZ 200mV/√HZ 350NV/√HZ

IQ mismatch (phase) <1� N/C <2� N/C

IQ mismatch (gain) <0.3 dB <0.5 dB <0.5 dB <0.5 dB
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Fig. 5.28 (a) Multiple gm
reconfigurable low-pass filter

structure, (b) schematic of

transconductor cell and VDS

control, and (c) CMFB used

for (b) (Adapted from [5.27]

#IEEE 2005)
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Fig. 5.29 (a) A fifth-order low-pass channel filter schematic, (b) gyrator-based complex band-pass

filter derived from (a), (c) class AB CMOS single-ended transconductor, (d) balanced version of

(c), (e) balanced gyrator loop of two transconductors with parasitics, (f) modified transconductor

with capacitive feedthrough equalization, (g) preamplifier and postamplifier, (h) tuning control

circuit, and (i) charge pump circuit (Adapted from [5.28]#IEEE 2005)
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Fig. 5.29 (continued)



The design uses common sets of transconductors for Bluetooth and Zigbee

application whereas the capacitor values are switched. The authors use balanced trans-

conductors based on the Nauta class AB transconductor [5.29] shown in Fig. 5.29c.

A balanced version of Fig. 5.29c is shown in Fig. 5.29d. By biasing the input at midrail

voltage, the drain currents due to an input voltage Vin can be seen to be

In ¼ J 1þ Vin G

4J

� �2
and Ip ¼ J 1� Vin G

4J

� �2
(5.14)

where J is the drain current with Vin ¼ 0. Thus, Iint ¼ Ip – In ¼ –GVin showing that

the transconductor is linear. It is important to note that the circuit is affected by the

power supply voltage Vdda and power supply noise feedthrough.

The balanced gyrator loop is affected by the parasitic capacitance between the

input and output terminals of the transconductor that are not reciprocal (Cgd 6¼ Cdg)

(see Fig. 5.29e). This leads to undesirable peaking in the frequency response which

can be solved by using the modified transconductor of Fig. 5.29f. A PMOS capaci-

tor is connected between the output of the transconductor and output of the buffer

following the transconductor. The postamplifier and preamplifier are shown in

Fig. 5.29g. The preamplifier has common mode feedback through R1 and R2

which produces an effective feedback resistance of R1R2/(R2 – R1). The capacitors

block the dc input arriving from the mixer stage.

The frequency tuning loop is shown in Fig. 5.29h which uses a switched

capacitor C, an integrator, a reference transconductor �G, an inverter, and a charge
pump. The diode-connected transconductor �Go generates a quiescent voltage that

is offset from that of the reference transconductor. Note that when the SC is set to

G/Fck, the loop stabilizes. The feedback loop adjusts the Vddao of the reference

transconductor which is buffered through SFo and SF to provide Vdda for the

complete filter. Note that Rg and Cg act as a filter to make Vdda ripple-free. The

charge pump Qpump [5.30] is shown in Fig. 5.29i.

Alzaher and Alghamdi [5.31] have described a CMOS band-pass filter for low-IF

Bluetooth receivers based on the MOSFET-C technique. This uses current-followers

(CF) and voltage buffers (VB). A CMOSCF is presented in Fig. 5.30a. The transistors

M9, M10 force equal current through M1 and M2 and hence the source of M1 is at

ground potential since the gate voltages ofM1 andM2 are equal. The current into the x
terminal is copied byM6 andM8 to the z output terminal. The level shiftersM3 andM4

are used to adjust the standby current. The devicesM11 andM12 provide biasing. The

input impedance at the x terminal is reduced by feedback.M3 andM4 provide dc level

shift to adjust the standby current. The VB circuit is presented in Fig. 5.30b. The

voltage tracking is achieved by forcing same current through M1 and M2. Class AB

negative feedback reduces the output resistance of this buffer stage.

The design of the filter uses MOSFET as a resistor. It is known that nonlinearity

can be cancelled using the arrangement of Fig. 5.30c:

I1 � I2 ¼ 2k V1 �V2ð Þ VA �VBð Þ (5.15)
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Fig. 5.30 (a) CMOS realization of a current follower, (b) CMOS realization of a voltage buffer,

(c) nonlinearity cancellation of MOSFET using general method, (d) nonlinearity cancellation of

MOSFET using CFs, (e) fully differential unity cell (UC), (f) Tow–Thomas biquad using UCs, (g)

fully differential version of (e), (h) biquad with MOSFET nonlinearity cancellation, (i) optimized

version of (g), and (j) automatic frequency tuning circuit (Adapted from [5.31] #IEEE 2006)
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Fig. 5.30 (continued)
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Fig. 5.30 (continued)
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Fig. 5.30 (continued)
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wherek ¼ 1
2mCox

W
L . Thus, a negative conductance can be attained by choosingVA ¼ 0.

UsingVA andVB, the resistor can be tuned. A virtual ground can be created to facilitate

subtraction using the circuit of Fig. 5.30d while achieving nonlinearity cancellation.

A fully differential unity cell (UC) is realized as a cascade of CF and VB as

shown in Fig. 5.30e. (Note that this is equivalent to a CFOA with y input grounded).
The circuit of Fig. 5.30e has a CMFB loop. The RC network (RCM, CCM) generates

the common mode voltage and compares it with VCM and controls the currents

through MC3 and MC5 and the voltages Zp and Zn.
The MOSFET-C biquad based on a two-integrator loop and using the UC is

presented in Fig. 5.30f, g in single-ended and fully differential versions. Here, each

CF and VB has its own CMFB loop. Note that even-order nonlinearity terms are

removed due to the fully differential configuration. In the architecture shown in

Fig. 5.30h odd-order nonlinearity cancellation can be achieved using the concept of

Fig. 5.30d. Note that current summation can be done at the x terminal of the CF so as

to reduce the number of CFs. A simplified version of Fig. 5.30h is presented in

Fig. 5.30i with a reduced number of CFs, but some with dual outputs. The authors

have shown that the IIP3 is improved by 6 dB for the realization of Fig. 5.30h and the

power dissipation is more. On the other hand, the realization of Fig. 5.30i reduces

the power consumption, area, and noise and improves the linearity. Note that two

CMFB loops are needed: one each for integrator. Among the various alternatives

possible shown in Fig. 5.30j, the topology (i) saves power. The topology (iii) gives

good CMRR but has higher noise.

The authors have used an automatic tuning circuit shown in Fig. 5.30k that uses a

frequency control loop with SC and continuous path. The loop settles when the

resistance of the SC equals the MOSFET-C equivalent resistance.

Emira and Sanchez-Sinencio [5.32] have described a complex twelfth-order

filter for Bluetooth application. The IF chosen was 2 MHz and the bandwidth

of the filter is 1,060 KHz. The complex filter shifts the low-pass filter response

to joIF as can be seen from the mapping s þ oLF ! s + oLF – joIF. Thus the

input–output relation of a first-order complex filter can be written as

Fig. 5.30 (continued)
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xc ¼ oc

sþ oLF �joIF
xi (5.16a)

where xc and xi are xc ¼ xcI þ jxcQ and xi ¼ xiI þ jxiQ. Thus, we have

xcI ¼ oo

sþ oLF
xiI �oIF

oo
xcQ

� �
(5.16b)

xcQ ¼ oo

sþ oLF
xiQ �oIF

oo
xcI

� �
(5.16c)

The architecture of a first-order filter can thus be drawn as in Fig. 5.31a.

An actual building block implementation is shown in Fig. 5.31b. An active RC

implementation is presented in Fig. 5.31c. A OTA-C complex first-order filter is

shown in Fig. 5.31d. Essentially, two paths will exist comprising a low-pass filter

and the cross-connection of OTAs realizes the complex filter.

TheauthorshaveusedpseudodifferentialOTAs shown inFig. 5.32a.TheseneedCM

feedback loops or CM feedforward loops (CMFF) as shown in Fig. 5.32b, c. Note that

CMFB is needed in the casewhere the output impedance of theOTA is high to bring the

VCM output impedance low. On the other hand, if the output impedance is small, then

CMFFwill suffice. The commonmode detector (CMD) is shown in Fig. 5.32d, which is

inverting so that its output can be connected toVb of the OTA. In the case of CMFF, the

noninverting control output are needed and can be derived as shown in Fig. 5.32d.

The conceptual complex biquad and complete circuit used in the I branch are

shown in Fig. 5.33a and b. It can be seen that OTA1–OTA4 realize the biquad. The

OTAs 5 and OTA 6 perform the linear frequency transformation. The OTA 1 has high

output impedance and hence CMFB is usedwhereas OTA2 is loaded by the resistance

realized byOTA3 and henceCMFF is used. OTA3does not needCMFF orCMFB and

hence its bias voltage is connected to a fixed voltage. OTA4-OTA6 also use CMFF.

The frequency tuning is accomplished using the tuning circuit shown in

Fig. 5.33c. A relaxation oscillator based on the OTA-C technique with

transconductors of the same type used in the main complex filter is used. Its

frequency is compared with a reference frequency (1 MHz). After reset, both

counters start counting and once the reference counter reaches 64, the Up/Down

counter counts or freezes depending on the difference between counts of the

oscillator counter and reference counter. The contents of the U/D counter is fed to

the DAC to generate a control voltage Vi. When the reference counter reaches 128, a

new comparison cycle starts, this time with the updated oscillator frequency. For a

�30% process variation and a 7-bit DAC, the maximum frequency error is�0.23%

which leads to a 4.6 KHz error in the center frequency. The 7-bit DAC uses a resistor

string. The relaxation oscillator is presented in Fig. 5.33d. It consists of OTAGm and

a current switch (M1 – M6), an integrating capacitor CT, and a comparator and two

switches. The CM input levelVc is changed to control theGm. By applying a constant

differential voltage DV to the OTA, the single-ended output current can be found as

gm ¼ kn W

L
ðVc �VTnÞDV (5.17)
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Fig. 5.31 (a) Conceptual complex LP filter, (b) actual building block implementation, (c) active

RC implementation of (b), and (d) linear frequency transformation to convert LPF to complex BPF

(Adapted from [5.32] #IEEE 2003)
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which is mirrored to charge the capacitorCT. The polarity is controlled by the differen-

tial pair. The slopeof the triangularwaveformacrossCT isGmDV. Thecapacitor voltage
is compared with VB1 and VB2 depending on the comparator output. The comparator

output controls the differential pair transistors as well as the threshold voltage of

the comparator. The frequency of oscillation is fosc ¼ 1
4

gm
CT

DV
DVB

where DVB ¼
VB1 – VB2. Note that VB1 and VB2 are obtained from the resistor string of the DAC.

Fig. 5.32 (a) Pseudo-differential OTA, (b) CMFB loop and equivalent circuit, (c) CMFF circuit

and equivalent, and (d) biasing circuit if no common mode control is used and CMD circuit

(Adapted from [5.32] #IEEE 2003)
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Fig. 5.33 (a) Conceptual complex biquad, (b) complete circuit of (a), (c) frequency tuning circuit

for complex filter, and (d) relaxation oscillator (Adapted from [5.32] #IEEE 2003)
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5.7 Gm-C Filters for Optical Receivers

A 11.1 Gbps analog PRML (partial response maximum likelihood) receiver for

electronic dispersion compensation of fiber-optic communications has been

described by Elahmadi et al. [5.33]. The architecture of this IC is shown in

Fig. 5.34a where a programmable continuous-time filter and a programmable FIR

filter are used to implement the PR (partial response) equalization. The output of the

FIR block is fed to a MLSE detector for data recovery. Precise clock and symbol

timing are provided by the decision-directed clock recovery (CR) block. The block

diagram is further elaborated in Fig. 5.34b. The optical signal affected by dispersion

is converted to the electrical domain by the transimpedance amplifier and fed to a

variable gain amplifier for amplitude normalization and enters the CTF. A five-tap

discrete time FIR filter provides further equalization. The output is sampled in a

time-interleaved fashion by splitting into two data streams A and B. The technology

used was SiGe BiCMOS BBT with a ft of 150 GHz. The Viterbi decoder contains

the ACS (add, compare, and select) function and a survival sequence register (SSR).

A multiplexer reassembles the error-corrected streams into a single stream. The CR

block provides the necessary timing for FIR, ACS, and SSR as well as synchroni-

zation of other on-chip functions.

The AGC loop involving VGA, peak detector (PD1), and an AGC logic block

facilitate coarse tuning of the CTF output signal swing. When the CR enters the

phase-locked mode, the AGC control logic switches to the fine loop through

the phase detector PD2 maintaining the output of the FIR filter equal to REF2.

The VGA gain in the loop is controlled by the 7-bit ADC. An automatic offset

correction feature is also available for cancelling out the offset introduced in the

VGA and CTF.

A fourth-order Gm-C low-pass Bessel CTF is used consisting of two biquads and

input V–I converter and an output I–V converter (see Fig. 5.34c). The cutoff

frequency can be tuned from 1.5 to 3.5 GHz with a 4-bit granularity through a

digital serial interface. The need for working at high frequencies with low power

limits the architecture of OTA to the simplest differential pair using bipolar

transistors as shown in Fig. 5.34d. A cross-connected differential pair ratioed at

1:5 has been used to obtain adequate linearity instead of using a resistor for

increasing the dynamic range of the differential pair. The design takes note of the

fact that although resistances may vary over process corners by more than 25%, gm
can be set virtually independent of PVT variation.

Temperature dependence of Gm can be decreased using the PTAT (proportional

to absolute temperature) bias current. The circuit for PTAT reference producing

currents proportional to both 1/Rint and 1/Rext is shown in Fig. 5.34e. A constant bias

voltage over temperature needs a bandgap current reference proportional to 1/Rint.

This is because of the reason that bias voltages are generated by setting up

the currents through internal resistors. The bandgap current reference is shown

in Fig. 5.34f.
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Fig. 5.34 (a) High-level architecture of a PRML receiver, (b) analog PRML receiver IC archi-

tecture, (c) continuous-time filter (CTF) block diagram, (d) linearized OTA, (e) current reference

producing both PTAT currents proportional to 1/Rint and 1/Rext, and (f) current reference block

producing the bandgap current proportional to 1/Rint (Adapted from [5.33] #IEEE 2010)
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5.8 Gm-C Filters for Software Radio

Kilsunezuke et al. [5.34] have described a reconfigurable fourth-order LPF for

software radio front-end applications. The block diagram of the analog base-band

as shown in Fig. 5.35a comprises a programmable gain amplifier (PGA1) for coarse

gain tuning followed by a fourth-order LPF. This is followed by another PGA2 for

Fig. 5.34 (continued)
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fine gain tuning. The two cascaded second-order low-pass filters (see Fig. 5.35c)

use discrete-time control of Gm values by switching off the Gm and switching on

using variable duty cycle pulses as shown in Fig. 5.35b. The realized Gm is given by

Fig. 5.35 (a) Block diagram of the analog baseband, (b) duty cycle controlled discrete-time

transconductor, (d) antialiasing filter (passive filter +4-tap FIR filter), and (e) voltage input current

output 4-tap FIR filter (Adapted from [5.34] #IEEE 2009)

518 5 Practical Designs of VLSI Analog Filters



Gmeff ¼ Gm(TON/TCLOCK). The Gm-C filters are based on the two-integrator loop

and realize a transfer function

TðsÞ ¼
s2 C3

C2

� �
þ gm1gm2

C1C2

s2 þs
gm3
C1

þ gm2gm4
C1C2

(5.18)

A basic inverter is used as the Gm followed by two switches. The waveforms at

various terminals are also shown in Fig. 5.35b. In Phase ’1, the inverter output

current flows to the load, whereas in Phase ’2 , it flows to the ground. The advantage

of such a design is that all OTAs can be the same size and use the same bias voltages

realizing the same nominal value ofGm. Thus assuming thatGm/C is precisely tuned,

Fig. 5.35 (continued)
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the design achieves a high tolerance to process fluctuations. An antialiasing filter is

required due to the discrete time nature of the filter. This is realized by a second-

order passive RC filter followed by a Gm-C-based DT FIR filter (see Fig. 5.35d).

The FIR filter (see Fig. 5.35e) realizes a transfer function given by

Gm;FIR ðzÞ ¼ 1þ z�1 þ z�2 þ z�3

4
Gm; eff (5.19)

The variable duty cycle pulse generator comprises a 32-phase clock generator, a

narrow pulse generator, a pulse decimator, and a switching matrix to generate the

desired width pulses to control all the Gms. The clock frequency used for the filter

was 256 MHz derived from a master clock of 2 GHz. The chip has used a 90 nm

CMOS process.

A low IF/zero IF configurable analog base-band IC has been described by

Kitsunezuka et al. [5.35]. The software radio architecture and the analog base

band are presented in Fig. 5.36a, b. The signal from the antenna is preamplified by

a LNA and down-converted directly to IF by the quadrature mixer. The following

analog filter attenuates the interferers and the PGA controls the gain. The IC features

an I/Q phase imbalance cancellation scheme as shown in the block diagram of the

analog base-band. The LO imbalance circuit needs four 25% duty cycle clocks

derived from the external LO clock. The quadrature mixers can properly demodulate

the input RF signal even if a few degrees of LO I/Q phase imbalance exist. TheGm-C
filter following the mixer is duty cycle controlled followed by I/Q signal path

rotators. This stage provides channel selection, antialiasing and image rejection.

The DTGm-C filter can be configured as a LPF in zero IF mode or BPF in the low IF

mode. The filter control pulses are generated by a variable duty cycle pulse

generator. The PGA consists of cascade-connected unit gain cells using two-OTA

based amplifiers.

The circuit diagram of the OTA networks of a reconfigurable filter is shown in

Fig. 5.36c which is applicable for both low-IF and zero-IF cases. As discussed

earlier, a duty cycle control scheme is used to achieve reconfigurability. Each Gm is

controlled by a variable duty cycle control pulse. By using two OTAs in parallel and

switching them complementarily as shown in Fig. 5.36d, the effective Gm can be

tuned. Note that the center frequency can be varied by varying Gm5 in Fig. 5.36c.

5.9 Gm-C Filters for EEG Application

Casson and Rodriguez-Villegas [5.36] have described a 60 pW Gm-C continuous

wavelet transform circuit for portable EEG systems. For portable and wearable

electronics, extreme miniaturization is required. This limits the available battery

size and power drain. The EEG needs to record the voltage between electrodes put

on the scalp typically in the range 1–150 mV peak to peak over a 1–70 Hz

bandwidth. The devices need to be discrete, lightweight, and comfortable for user
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acceptance. These chips need real-time data reduction as well so that the transceiver

power can be reduced.

The CWT (continuous wavelet transform) is suitable for low power

implementations. The CWT of a signal f(t) is defined as

Wða; bÞ ¼ 1ffiffiffi
a

p
Z 1

�1
f ðtÞC� t� b

a

� �
dt (5.20)

Fig. 5.36 (a) Architecture of software defined radio receiver, (b) block diagram of analog

baseband, (c) transconductor networks of reconfigurable filters, and (d) duty cycle controlled

transconductor and timing chart of control pulse (Adapted from [5.35] #IEEE 2011)
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Fig. 5.36 (continued)
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where C(t) is the mother wavelet, a is a dimensionless analysis scale, and b is the

time at which the transform is taken. This corresponds to convolution of f(t) with an
impulse response

hðtÞ ¼ 1ffiffiffi
a

p C � t

a

� �
(5.21)

It has been found that h(f) in (5.21) corresponds to a band-pass filter. The mother

wavelet chosen was similar to the Mexican hat also called the low power CWT

(LPCWT). A rational approximation to this can be found as the seventh-order

transfer function

HðsÞ¼
�6:88X10�3 s2

2:34X10�8 s7þ1:34X10�6 s6þ3:7X10�5 s5þ6:79X10�4 s4þ8:67X10�3 s3

þ0:075s2þ0:40sþ1

(5.22)

The LPCWT mother wavelet function has the transfer function

HðsÞ ¼ � p
1=4

ffiffiffiffiffiffiffiffiffiffiffiffi
8

3
a5s2

r

1þ stþ T2 � a2

2

� �
s2 þ T3

6
� T a2

2

� �
s3 þ::::

(5.23)

where the denominator is a truncated Maclaurin expansion of the term e sT�a2 s2

2

� �
and T is a delay introduced to ensure that H(s) is open-loop stable. The impulse

response is shown in Fig. 5.37a.

The Gm-C filter used is shown in Fig. 5.37c which is derived from the RLC

prototype shown in Fig. 5.37b. The latter is obtained by replacing each grounded

and floating inductor by a grounded and floating OTA-C-based inductance simula-

tor, respectively. The authors have used the OTA of Fig. 5.37d which uses NMOS

input transistors. The Gm realized in the weak inversion mode is

gm ¼ Ibias
2nUT

(5.24)

where n ¼ 1.3. Using a Ibias of 6.5 pA, a transconductance of 100 pS can be

realized. The reader is urged to refer to [5.36] for an excellent treatment on issues

related to deep weak inversion operation.

At extremely low currents, leakage current of the bond pads becomes significant.

The linear range of a differential pair can be found as

Vlin ¼ 1:5nUT

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
tð1þ if Þ

q
(5.25)
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Fig. 5.37 (a) LPCWT (low power continuous wavelet transform) mother wavelet (a ¼ 0.1 and

T ¼ 0.4 s) resembling Mexican hat (shown in dotted lines), (b) seventh-order LC ladder filter

structure, (c) gm-C implementation of (b), and (d) NMOS transconductor (Adapted from [5.36]

#IEEE 2011)
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where t is the allowable maximum difference between the ideal and actual nonlinear

output current of the transconductor and if ¼ IDS/IS. For deepweak inversion, if ! 0

andVlin ¼ 10.9mVwhereas for standardweak inversion, if ¼ 0.1 andVlin ¼ 11.4mV.

The authors have also pointed out that flicker noise corner frequency f is less than K IDS
2qWL .

Since IDS is very low, thermal noise is predominant. Hence, NMOS transistors have

been used. The lower VT simplifies the operation using a 1 V power supply. The

mismatch of transistors at the weak inversion region is about the same as that for deep

weak inversion operation. The frequency response of the OTA is dominated by a zero.

For the differential amplifier of Fig. 5.37d, theoo is 37Hz. This introduces distortion in

the frequency response that can be corrected by predistorting the value of capacitor C2

(see Fig. 5.37a).

5.10 Gm-C Filters for HDD

Pandey et al. [5.37] have described a 140 mW fourth-order linear-phase low-pass

filter for HDD read channel application. The architecture of the HDD front-end is

shown in Fig. 5.38a. The real pole of the fifth-order filter is realized separately using

R and C following the AGC block. The single-stage OTA employed in this design is

based on complementary differential pairs as shown in Fig. 5.38b. The input signal

is fed to both pairs thus increasing the effective transconductance. The power

efficiency is increased since the biasing current sources can be shared by the two

differential pairs. The CMFB loop is presented in Fig. 5.38c which minimizes the

parasitic poles and thereby improves the stability. The simplified equivalent of the

Fig. 5.37 (continued)
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Fig. 5.38 (a) Schematic of HDD front-end, (b) single-stage OTA based on complementary

differential pairs, (c) class AB CMFB system with enhanced loop stability, (d) simplified CMFB

loop schematic, and (e) biquadratic section with CMFB (Adapted from [5.37] #IEEE 2006)
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CMFB loop is shown in Fig. 5.38d. The fourth-order filter realized is presented in

Fig. 5.38e wherein each stage has its own CMFB loop.

Read channel hard disk drives do not demand high linearity and high dynamic

range (typically 40 dB for each parameter). However, very high speed is required

and Gm-C filters are usually chosen since these use open loop structures. Bollati

et al. [5.38] have described an eighth-order 0.05 dB equiripple linear phase filter

using the Gm-C technique. This has a wide tuning range (30–120 MHz) and features

a programmable boost. The eighth-order filter is realized as three biquads and two

first-order cells. The highest pole-Q needed is 1.5. The equalization chosen is

E2PR4 realized through two opposite pairs of real axis zeroes. The numerator

realized is (1 – as)(1 + as) ¼ 1 – a2s2. The complete filter is presented in

Fig. 5.39a which comprises a biquad and two third-order filters. The third-order

filter is shown in Fig. 5.39b. Note that OTAs Gm1 and Gm5 realize a real zero as can

be seen in the transfer function of the third-order filter:

Vo

Vin
¼ gm1 þs C3

1þ 2s C3

gm5

 !
1

1þ sgm3C1

gm2gm4
þ s2C1C2

gm2gm4

 !
(5.26)

Fig. 5.38 (continued)

5.10 Gm-C Filters for HDD 527



Fig. 5.39 (a) Block diagram of eighth-order LPF, (b) third-order filter block diagram, (c)

degenerated differential pair used as a Gm, (d) Vtune control, and (e) complete Gm control scheme

(Adapted from [5.38] #IEEE 2001)
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For the second biquad, the current outputs of the pole 1 stage are cross-

connected as shown in the block diagram of Fig. 5.39b. The transconductor used

is a degenerated differential pair using a MOS transistor as shown in Fig. 5.39c. The

Gm is varied by two loops: (a) by varying the tail currents of the differential

amplifier, and (b) by an auxiliary loop controlling the resistance 2R where R ¼ 1/2

gds3 through the voltage Vtune as shown in Fig. 5.39d. The MOS transistor is realized

as several parallel resistors with each resistor comprising two MOS transistors

(see Fig. 5.39e). The boost control needs a variable Gm1 which is realized by

connecting a programmable array of binary-sized transconductors. The complete

Gm control scheme is presented in Fig. 5.39e. TheGm value is set using a servo loop

so that Gm is inversely proportional to an external resistance R. The reference

transconductor biases all the other transconductors. The reference transconductor

is folded and its differential output is converted to single-ended output. The

reference gm is driven by a fixed voltage DV and its output current is forced to be

equal to IDAC. Note that IDAC is derived from an external resistor on which DV is

forced. The main loop adjusts the tail currents of the differential amplifier. The

auxiliary loop controls the Vtune. This is realized using the opamp Ao, resistor Rx,
and a current proportional to the tail current of the transconductor. Note that the

auxiliary loop is faster than the main loop.

Fig. 5.39 (continued)
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5.11 Gm-C Filters for Power Supply Applications

A very low offset rail-to-rail Gm-C filter has been described by Forghani-Zadeh and

Rincon-Mora [5.39] for application in current sensing in switching power supply

applications. The basic concept is illustrated in Fig. 5.40a, where the voltage across

the inductor is measured using a Gm-C first-order filter. Since the equivalent series

resistor of the inductor is very small (on the order of a few milliohms), low offset

performance is required. The authors present an excellent review of offset cancel-

lation techniques [5.40] using autozero (AZ) as well as chopper. The important

features of both these are summarized in Table 5.5. The AZ technique extensively

studied earlier in Chap. 4 measures offset and subtracts it in the processing phase.

The chopper on the other hand changes the polarity of the offset every clock cycle

and on average cancels the offset. A modulator and demodulator at the chopping

frequency are placed before and after the filter. The signal is modulated to high

frequencies but not the offset of the amplifier. Hence, the signal is demodulated

back whereas the dc offset is modulated at high frequencies beyond the pass-band

of the filter and can be removed by filtering. In power supply applications,

autozeroing is preferred, since the inputs can extend up to a few MHz making the

chopping frequency very large. Chopper schemes are continuous in time unlike in

AZ, whereas in AZ schemes information is processed at discrete time instants.

Continuity can be achieved in an AZ scheme by using ping-pong or feedforward

architectures. In ping-pong, while one amplifier is sensing and measuring the offset,

another is processing the signal. There can be glitches during the transfer from one

amplifier to another. In the feedforward technique, an error amplifier continuously

cancels the offset thereby avoiding switching. The offset nulling amplifier is itself

autozeroed and its output which tunes the main amplifier is sampled and held across

a capacitor. The feedforward technique suffers from intermodulation effects

between the AZ clock frequency and the input signal. Note that negative feedback

is necessary to provide a sample of the offset across the input terminals without

changing the connectivity. Table 5.6. summarizes the features of ping-pong and

feedforward architectures.

The authors propose autozeroed ping-ponging dual-input summing trans-

conductors, two offset programming capacitors for each OTA (Ch1�, Ch1+, Ch2�,
Ch2+), a single bandwidth setting capacitor, and gain setting resistor R (see

Fig. 5.40b). Note that an input differential pair is dedicated to the input signal

and another to the offset. The advantage is that the offset holding capacitor is not in

the signal path and hence not band-limiting the signal.

Note that in Phase1, the main input pair is short-circuited and the auxiliary pair is

connected in the buffer configuration, thus charging the capacitor Ch with the

overall offset of the opamp. In Phase2, this offset is subtracted from the input by

breaking the unity gain feedback loop and connecting the stored offset across the

auxiliary opamp. The input signal is simultaneously connected to the input pair. It

can be shown that the offset is cancelled. Note, however, that the clock feedthrough

and charge injection will cause a residual error to exist that is quite small. Note that

530 5 Practical Designs of VLSI Analog Filters

http://dx.doi.org/10.1007/978-0-8176-8358-0_4


Fig. 5.40 (a) Programmable and continuous low offset Gm-C filter for current sensing in

switching power supply applications, (b) ping-pong Gm-C filter with autozeroing summing

transconductors, (c) linear dual-input rail-to-rail transconductance cell with tunable k, and (d)

full schematic of the Gm cell (Adapted from [5.39] #IEEE 2007)



the bottom circuit performs a similar function in Phase ’o. During transition from ’
to ’o, a few mV glitches will exist due to parasitic capacitances at the output of the

transconductor.

The transconductance used is shown in Fig. 5.40c which is linear and provides

rail-to-rail operation. Note that the Gm is a resistor-based current conveyor. The

current IR1 is Vid/R1 due to the opamp Aint. This current is mirrored to the output by

current mirror M1 and M2 thereby defining the transconductance as k/R1 where k is
digitally programmable. The auxiliary transconductor Gma is also shown in

Fig. 5.40 (continued)

Table 5.5 Summary of dynamic offset cancellation technique (Adapted from [5.39]#IEEE2007)

Chopper Auto zero

Modulates and filters Dc offset Sample and subtract offset

Continuous Discontinuous

Higher noise reduction Lower noise reduction

Low bandwidth (BW<0.5fChop) High bandwidth

Table 5.6 Summary of continuous-time AZ techniques (Adapted from [5.39]#IEEE2007)

Ping pong Feed forward

Higher glitch content Lower glitch content

Used in open- and closed-loop

amplifiers

Only used in closed-loop, negative feedback

amplifiers

No intermodulation effect Intermodulation effect
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Fig. 5.40d. Note that Ib and Ib1 bias M3 and M4. The feedback loop forces the gate

voltage of M1 so as to sink Ib and IR1. In other words,M1,M3, andM4 form a current

mirror. The full schematic of the Gm cell is shown in Fig. 5.40d. The bits d6–d0
control k using the cascode transistors M20–M26. The amplifier A2 maintains the

drain voltage of P1 and P2 equal to minimize channel length modulation errors and

sets the bias voltages properly. The auxiliary pair consists of the current canceling

differential pairs Na–Nb and Nc–Nd realizing a low transconductance. The band-

width of the filter is tuned using R realized as a programmable binary weighted

polysilicon resistor. The offset achieved was < 210 mV.

5.12 Gm-C Filters for Other Applications

Mobarak et al. [5.41] have suggested a scheme for cancelling distortion due to OTA

in OTA-C filters. Consider their scheme presented in Fig. 5.41a. In this, the auxiliary

OTA generates a current GmVin/2 which is converted into voltage using the resistor

R ¼ 1/Gm (and capacitor Co representing the parasitic output capacitance and input

capacitances of the OTAs). The difference between the input voltage and this

voltage is converted into current by the OTA in the normal path. The current output

of the OTAs can be expressed as the sum of linear and nonlinear components.

The final output current is devoid of the nonlinear components as can be seen

from the equations given in the inset of Fig. 5.41a. Note that the phase-shifter

block is required to cancel the phase difference between the main and auxiliary

paths. The Gms need to be identical for good cancellation. A fully differential

implementation follows the scheme of Fig. 5.41b. Note that the phase-shifter is a

first-order filter with programmable resistance Rc. The reader is urged to verify the

gain factors 2/3 and 1/3 needed to achieve perfect cancellation. Resistors R and Rc

can be tuned with 6-bit resolution.

The Gm used in the realization is shown in Fig. 5.41c which uses a folded

cascode configuration and is fully differential. The output common mode feedback

loop also is shown in Fig. 5.41c. The input attenuation by k1, (1 – k1) and k2 is

realized using capacitors by using floating-gate type input devices Mc. The sche-

matic of the error amplifier is shown in Fig. 5.41d. Note that the series resistance Rz

realizes transmission zero to ensure stability of the CMFB loop. The second-order

low-pass filter based on the two-integrator loop realized by replacing each OTA

with the circuit of Fig. 5.41b is presented in Fig. 5.41e. As is required in other Gm-C
filters, a tuning loop is required. In this design, the authors use the distortion

cancelling scheme as shown in Fig. 5.41f for realizing the tuning loop. It can be

seen that the phase detectors PD3 and PD4 detect the phase difference between

both inputs of both OTAs in the normal and auxiliary paths and derive a control

signal for the resistors Rc. In a similar manner, the effective gain of the auxiliary

path k2GmR is measured by comparing the phase difference between inputs and

outputs using two phase detectors PD1 and PD2 and deriving a control voltage

to vary R accordingly. Note the tuning is sequential and not adaptive, however.
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Fig. 5.41 (a) Attenuation predistortion linearization scheme, (b) application of (a) to a fully

differential circuit, (c) folded cascode opamp, (d) error amplifier circuit in the CMFB loop,

(e) fully differential second-order low-pass filter, and (f) automatc linearity tuning scheme

(Adapted from [5.41] #IEEE 2010)
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Fig. 5.41 (continued)
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An IM3 improvement on the order of 22 dB has been found compared to

realizations not using distortion compensation.

Acosta et al. [5.42] have unified the transconductor structures and derived a

new architecture for realizing transconductors with large linearity. They observe

that the linearity for transconductors should be based on the linearity of resistors.

They suggest that CCII-based implementations have such a feature. Consider the

CCII-based transconductor shown in Fig. 5.42a where in the input differential

voltage is buffered by the unity gain amplifiers between the y and x terminals of

both the CCIIs and is converted into current using two resistors R. This current is
delivered at the z terminals of the current conveyors to flow into the output

terminals. This configuration has very high input resistance. However, the input

range is not rail to rail since the buffers need to track the input voltage. The voltages

at the x terminals are complementary and the junction of resistors will be at signal

ground for differential inputs equal to the common mode voltage. Hence a resistive

divider can be used for output common mode voltage detection. An alternative

architecture separates the signal ground as shown in Fig. 5.42b. Note that matching

of resistors R will be required. This is a pseudo differential topology. The input

common mode voltage needs to be sensed and applied via a buffer stage to signal

ground. The third topology uses resistors in series with x inputs to convert the input
voltage to current at the z terminals. The y terminals of both the CCs are connected

to common voltage Vcm. This configuration is also sensitive to mismatch of resistors

R. The input range can be rail to rail. However, the input resistance R is loading the

previous circuit. The alternative circuit of Fig. 5.42d uses two transconductors of

Fig. 5.42a and cross-couples them. The transconductance obtained is 1/R1–1/R2.

Thus, very small transconductances can be obtained.

Several alternative structures are possible for the voltage buffers. Some of these are

presented in Fig. 5.43a–e. It is required that these buffers have provision to provide a

copy of the output current at a separate terminal. In all the cases except Fig. 5.43c, the

V–I converter serves as a resistor to sense the current. A source follower is presented

Fig. 5.41 (continued)
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in Fig. 5.43a which is less linear, is simplest, and fast due to the absence of feedback.

The current can be conveniently sensed at the drain of the transistorM1. The output

resistance can be increased by using a cascode connection but the power supply

voltage needs to be larger. To increase linearity, the Gm needs to be increased

needing a larger bias current and width of transistor M1. The circuit of Fig. 5.43b

needs a compensated opamp thus reducing the bandwidth and increasing the power

consumption. However, the unity gain requirement is more easily satisfied than in

the case of Fig. 5.43a due to the feedback reducing the dependence on VGS. Another

voltage follower is shown in Fig. 5.43c in which a folded cascade-type amplifier can

be used yielding the circuit of Fig. 5.43d. The circuit of Fig. 5.43d leads to a higher

power consumption and needs frequency compensation. The simplest implementa-

tion of an opamp in the circuit of Fig. 5.43c can be based on a single transistor as

shown in Fig. 5.43e. It is faster and needs less power than the circuit of Fig. 5.43d. It

provides the needed gain and linearity. The output current cannot be directly taken

from the terminals shown in Fig. 5.43a–e but it is required to have a current mirror

with high output impedance. Three current follower circuits are presented in

Fig. 5.44. The circuit of Fig. 5.44a is based on a current mirror. Note that in the

circuits of Fig. 5.43c–e, the current source in the source leg of the transistor can be

the driver transistor of the current mirror thus simplifying the circuit. The circuit of

Fig. 5.44b is a folding stage whereas the circuit of Fig. 5.44c is the well-known

regulated cascode. The latter circuit has very low input resistance. Both the circuits

of Fig. 5.44b and c are mismatch insensitive. But, the swing of Fig. 5.44c is lower

due to the stacked transistors.

The tuning of the transconductors to an extent of 50% can be achieved in several

ways as shown in Fig. 5.45. In Fig. 5.45a, the resistors R can be tuned using MOS

transistors in place of resistors. However, this degrades the linearity of the

transconductor. In the circuit of Fig. 5.45b, the current mirrors are tuned. This

does not degrade the linearity of the core transconductor. Current scaling can be

accomplished using transconductance multipliers [5.43]. In the arrangement of

Fig. 5.45c, resistor dividers R1 and R2 realize attenuation without affecting the

core. Furthermore, the accuracy depends on resistor ratios and not on absolute

values of resistors as in Fig. 5.45a. The tuning resistors can be small so that voltage

swings are less thus avoiding distortion. In the circuit of Fig. 5.45c, a ¼ 1 + R2/R1.

Note also that complementary voltages are created at nodes A and B. As such,

a signal ground is created at the junction of A and B equaling a voltage VBIAS. In the

alternative tuning scheme of Fig. 5.45d, resistive current splitting takes place

leading to a dual-output transconductor. The price paid is the extra additive current

followers and sensitivity to mismatch.

Acosta et al. [5.42] proposed a highly linear tunable transconductor based on the

various buffer amplifiers, current mirrors, and tuning arrangements discussed above.

They employ the modified tuning scheme of Fig. 5.45c, the voltage follower of

Fig. 5.43c, the current follower of Fig. 5.44b, and the transconductor of Fig. 5.42a.

The complete OTA schematic is presented in Fig. 5.46a. The buffers are realized by

the pairs of transistors M1 and M2. The resistors R convert the voltage into current.

The current is sensed at the sources of the buffer amplifiers and delivered to
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Fig. 5.42 CCII-based transconductor topologies: (a) with high input resistance, (b) alternative of

(a), (c) with high input range, and (d) modification of (a) using two cross-coupled transconductors

(Adapted from [5.42] #IEEE 2009)
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the output through the transistors MCN. The resistor network provides tuning.

Acosta et al. [5.42] suggest simplification as shown in Fig. 5.46b by noting that

aIR can be tapped at the source of transistor MCN thus not necessitating the use of

resistors R2 in Fig. 5.46a. This will help to reduce the swing at nodes A and B.
The detailed implementation of Fig. 5.46b is presented in Fig. 5.46c including the

biasing current sources. A third-order Gm-C low-pass filter for VDSL applications

has been realized. The low-pass filter schematic is presented in Fig. 5.47. The resistor

2RN has been implemented using a MOS transistorMP1 controlled by the program-

ming voltage VPROG.

Le-Thai et al. [5.44] have proposed a bandpass filter based on coupled resonators

and a Gm-C technique using a low distortion transconductor. They have reviewed

the various linearization techniques of transconductors presented in Fig. 5.48.

TheGm of the transconductor of Fig. 5.48a use resistive degeneration at the expense

Fig. 5.43 Voltage follower implementations: (a) simple source follower, (b) super-Gm stage,

(c) alternative servo loop, (d) implementation of (c) using folded cascode amplifier, and

(e) implementation of (c) using common-source amplifier (Adapted from [5.42] #IEEE 2009)
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Fig. 5.45 Transconductor tuning techniques: (a) using resistors used for V–I conversion, (b)

scaling the output current, (c) using resistor current division, and (d) using resistive current

splitting (Adapted from [5.42] #IEEE 2009)

Fig. 5.44 Current followers

(a) using current mirrors,

(b) folding stage and

(c) regulated cascode

stage (Adapted from [5.42]

#IEEE 2009)
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of more power consumption and are very linear. An improved version of Fig. 5.48a is

shown in Fig. 5.48b which uses dynamic source degeneration wherein the resistance

is adapted based on the amplitude of the input signal. The range of input voltages over

which the Gm is linear is broadened but the variation of Gm in this range is still high.

Another technique shown in Fig. 5.48c uses tunable feedback. The alternative

technique of Fig. 5.48d uses both dynamic source degeneration and tunable feedback.

This needs higher power while achieving good linearity. The transconductor of

Fig. 5.48e uses bias feedback using four additional transistors M3–M6. These keep

the total current flowing through the transistorsM1 andM2 balanced.

Furthermore, the mismatch of the main differential amplifier and the adaptive

biasing block affects the performance. However, all the techniques of Fig. 5.48 are

not attractive for low power supply voltages.

Fig. 5.46 Evolution of transconductor (a) starting topology using the tuning technique of

Fig. 5.45(c), (b) modified tuning strategy, and (c) detailed circuit (Adapted from [5.42] #IEEE

2009)
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The linearization technique presented by Le-Thai et al. [5.44] realizes a superpo-

sition method to reduce the nonlinear components. The basic principle is presented

in Fig. 5.49a which uses superposition of two types of structures with opposite

nonlinearity behavior. The three transistor pseudo differential arrangementsM1–M3

andM7–M9 are different. These use, however, the same self-cascode structure using

transistorsM1,M2, andM7,M8, respectively. It can be shown that the Gm is flat and

the first derivative of Gm is kept nearly zero over a large range of input signals.

The THD is found to be better than all other structures: conventional differential pair

(CDP), dynamic source degeneration (DSD) of Fig. 5.48b, or bias feedback pair

(BFP) of Fig. 5.48e. The complete transconductor circuit is presented in Fig. 5.49b

where the devices M5–M6 form the active current sources. The CMFB loop is

presented in Fig. 5.49c using a resistive common mode detector for achieving

good linearity. The capacitors Co prevent the phase margin degradation of the

CMFB due to distributed capacitance of 100 K ohm resistances Ro. The design

also features a CMFF loop since the circuit is pseudo differential. The CMFF loop is

formed by transistorsM11–M13. The output impedance of the transconductors can be

increased by using negative resistance shown in Fig. 5.49d.

The authors have described a 80 MHz IF bandpass filter using the coupled

resonator-type structures. These are presented in Fig. 5.50a, b. Denoting o1
2 ¼ 1

L1C1

and o2
2 ¼ 1

L2C2
the transfer function of the structure of Fig. 5.50a can be written as

Vo

Vin
¼

gm1gm2
C1C2

� �
s2

s2 þo2
1

� �
s2 þo2

2

� � (5.27)

The bandwidth and the pass-band flatness are sensitive to process and tempera-

ture variations in this configuration. In the structure of Fig. 5.50b, the

transconductor �Gm3 introduces negative feedback and the resulting transfer func-

tion can be derived as

Vo

Vin
¼

gm1gm2
C2

� �
s2

s4 þ2 s2 1
LC þ gm2gm3

2C2

� �
þ 1

LC

� �2 (5.28)

Fig. 5.47 Schematic of third-order low-pass filter (Adapted from [5.42] #IEEE 2009)
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Comparing the denominators of both (5.27) and (5.28), we can see that o1
2 o2

2

¼ 1
LC

� �2 ¼ o4
o and o1

2 þo2
2 ¼ 2 oo

2 þoD
2ð Þ where oD

2 ¼ gm2 gm3
2C2 . The band-

width of the filter can be seen to be

BW ¼ o2 �o1 ¼
ffiffiffi
2

p
oD ¼

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
gm2 gm3

C2

r
(5.29)

showing that the bandwidth is dependent onGm3. Since
BW
oo

¼
ffiffiffiffiffiffiffiffiffiffiffi
gm2 gm3

g2m

q
, it is indepen-

dent of process and temperature variations. Note that oo ¼ gm
C . The complete filter

structure is presented in Fig. 5.50c. The LC resonators are designed using Gm-C
integrators. The ratio Gm/C determines the center frequency of the filter.

A widely tunable cutoff frequency Gm-C filter with scalable power dissipation

due to Tajjali and Leblebici [5.45] is considered next. The authors propose a new

approach for improving the linearity of biquadratic Gm-C filters based on a two-

integrator loop. The conventional fully differential biquad topology is shown in

Fig. 5.51a. The currents flowing through the capacitors Cm and Co can be written as

IM ¼ gm1 ðVIP �VINÞ � ðVOP �VONÞ½ � (5.30a)

Fig. 5.48 Various linearization techniques for Gm cells: (a) resistive source degeneration tech-

nique, (b) dynamic source degeneration technique, (c) tunable feedback technique, (d) source

degeneration tunable feedback combined technique, and (e) bias feedback technique (Adapted

from [5.44] #IEEE 2010)
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Fig. 5.49 (a) Core structure of the CMOS transconductor, (b) overall design of the

transconductor, (c) CMFB and CMFF technique, and (d) negative resistance circuit (Adapted

from [5.44] #IEEE 2010)
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Io ¼ gm2 ðVMP �VMNÞ � ðVOP �VONÞ½ � (5.30b)

Each OTA converts a differential voltage into current and then sums these

currents, for realizing each equation. When the input signal is large, the linearity

problem arises since the OTA needs to convert these large swing signal voltages

into currents. However, Tajalli and Leblebici [5.45] suggest rewriting Equations

(5.30) as

IM ¼ gm1 ðVIP �VOPÞ þ ðVON �VINÞ½ � (5.31a)

IM ¼ gm2 ðVMP �VOPÞ þ ðVON �VMNÞ½ � (5.31b)

Fig. 5.50 Two filter

structures using: (a) cascaded

resonators, (b) resonant

coupling, and (c) complete

filter circuit (Adapted from

[5.44] #IEEE 2010)
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Thus, although the transfer functions do not change, each OTA needs to convert

the difference of two signals that are in phase resulting in a much smaller input

voltage swing. The implementation of this idea is as shown in Fig. 5.51b. Note,

however, as the frequency increases, due to the increasing phase difference between

Vi and Vo and VM and Vo, degradation of linearity enhancement takes place.

However, the performance is still better than that of Fig. 5.51a. The linearity

performance is better when the devices are biased in weak, moderate, or strong

inversion as well. The schematic of the folded-cascode OTA used in this design is

presented in Fig. 5.51c. This consumes more power than conventional differential

amplifiers. However, it can provide a wider input common mode range. The tuning

range achieved was 50 Hz to 2 MHz for bias currents of 10 pA to 10 mA. Note that
this technique is applicable when Vi and Vo do not differ much. The authors have

realized sixth-order Butterworth filters in 0.18 m CMOS technology with constant

linearity over the entire tuning range.

A fully integrated 1.5–15 Hz low-pass filter with a linear tuning law has been

described by Bruschi et al. [5.46]. This uses triode-based transconductors.

A second-order low-pass filter shown in Fig. 5.52a has been realized using

CF1 ¼ 70 pf and CF2 ¼ 35 pF. The important feature of the circuit is that although

low Gm is realized, the input common mode range is comparable to a conventional

differential pair in the saturation region. The transconductor used by the authors is

shown in Fig. 5.52b which uses a triple input amplifier (TIA) to keep VDS of the

transistorsM1 andM2 at a fixed value that keeps them in the triode region. The TIA

is presented in Fig. 5.52c which has three inputs: inputs VA and VB and a terminal VS

which is a reference for input common mode voltage. The differential output stage

is formed byM2A,M3A,M2B, andM3B. Note that VA – VS ¼ VB – VS ¼ RIB where R
is a fixed resistance of value 50 K ohms. The TIA is cascaded to a fully differential

common source stage formed byM3 andM4 whose loads are the transistorsM1 and

M2. Thus, a two-stage differential amplifier is formed with its inputs connected to

the outputs in a negative feedback loop. The reader is referred to [5.46] for

exhaustive design information. The Gm realized can be shown to be Gm ¼ k2 k3

bR Itune where k3 ¼ b5
b3
¼ b6

b4
, k2 ¼ b12

b11
k1 ¼ b0

b11
, b ¼ mn Cox

W1

L1
and bbi ¼ mn Cox

Wi

Li
. Note that all the bias currents are obtained from Itune.

It is possible to realize programmable Gm-C filters [5.47] by using fixed Gm and

programmable capacitors or having fixed capacitors and programmable Gm as

shown in Fig. 5.53. The circuit of Fig. 5.53a is used as reference for evaluating

these two options shown in Fig. 5.53b, c. The power dissipation is proportional to

Gm and noise current spectral density due to OTA can be written as 4kTgGm. Thus,

the noise of the circuit of Fig. 5.53a is �kT/C. The “constant-C” design of Fig. 5.53c
retains the same noise whereas the power dissipation is decreased for realizing

fc ¼ fcmax/n. On the other hand, for the “ constant-Gm” design of Fig. 5.53b, the

noise is decreased whereas the power dissipation is same. Figure 5.53 summarizes

these results. The constant-C approach is preferable since lower power dissipation

can be obtained for lower frequencies.
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The desired gm can be composed using several unit Gms in parallel. In such an

arrangement, it is relevant to consider the effect of parasitic capacitances. As an

illustration, in the Gm-C second-order filter of Fig. 5.54a, if transconductances are

switched, several parasitics vary thus changing the pole-frequency and pole-Q (see

Fig. 5.54b). On the other hand, if the parasitics are fixed, although the Gms vary, the

pole-frequency change will be proportional to the Gm change and Q will be fixed

(see Fig. 5.54c).

Fig. 5.51 Biquadratic Gm-C
filters: (a) conventional

implementation, (b) topology

with improved linearity

performance, and (c) folded

cascode transconductor used

to implement (b) (Adapted

from [5.45] #IEEE 2011)
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Fig. 5.52 (a) Second-order Gm-C low-pass filter, (b) topology of transconductors used in (a), and

(c) three-input amplifier (TIA) simplified schematic (Adapted from [5.46] #IEEE 2007)
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The constant capacitance scaling can be shown not to increase the harmonic

distortion. The unit transconductance element is shown in Fig. 5.55a. M1 and M2

form the differential amplifier whereas M3 and M4 form a dummy differential pair.

M5, M6, M7, and M8 form the current sources for these two differential pairs.

When M7 and M8 are supposed to act as current sources (i.e., b ¼ 1), their gates

are connected to Vtune. Otherwise, the gates are shorted to ground through a pass

transistor and gates of M5 and M6 are connected to Vtune so that one of the

differential amplifiers is always connected to the input. Thus, the input capacitance

is independent of “b”. M11 and M14 operate in the triode region and are used to

switch off the load current sources. M9–M12 are cascode devices that enhance the

output impedance of the PMOS current sources. Note that the total power dissipa-

tion is constant and independent of “b”. Several Gms can be connected in parallel to

realize a programmable Gm with constant input capacitance as shown in Fig. 5.55c

for a 4-bit programmable element,. The various properties of the two

transconductor parallel connection (see Fig. 5.55b) are as shown. The 4-bit pro-

grammable transconductor shown in Fig. 5.55c realizes a maximum Gm of 19Gmu.

A fourth-order Butterworth filter realized using a cascade of two biquads is shown

in Fig. 5.55d which has pole-frequency programmable from 60 to 350 MHz.

Fig. 5.53 (a) First-order Gm-
C filter and lowering the cut

off frequency using (b)

variable capacitor and fixed

Gm, (c) fixed capacitor and

variable Gm (Adapted from

[5.47] #IEEE 2000)
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The CM feedback circuit is shown in Fig. 5.55e.Mc1 andMc2 form the common

mode detector. MC5 is a PMOS source follower stage. Mc3, Mc4, Mc11, and Mc12

form a servo amplifier. Mc10 is a source follower. The device Mc9 operates in the

triode region and this transistor together with capacitor CB forms a crossover

network. Mcs1 and Mcs2 are similar to M11, M14 in the transconductor (see

Fig. 5.55a).

The tail currents of all the OTAs are varied by using the bias circuit of Fig. 5.55f

which generates a current. Note that Mb3, Mb4 form a current mirror and Mb1, Mb2

together with R realize the condition

2I

VGSb1 �VT
¼ 1

R
¼ Gm;Mb1 (5.32)

Thus, the Gm of the transistor Mb1 is 1/R. The transistors Mb5–Mb11 ensure that

M1 andM2 andMb1 operate in exactly the same manner. The common mode voltage

reference is fed to the Mb6 gate. The reader may verify that the voltage at Y is the

same as that at X. Since the Gm of Mb1 is maintained at 1/R so is the transcon-

ductance of M1–M2.

Lo and Hung [5.48] have described a wide tuning range Gm-C filter based on the

transconductor shown in Fig. 5.56a. When the transconductor operates in weak

inversion region, it can be shown that

Io ¼ Ic1
Ic2

V1 �V2ð Þ
Req

(5.33)

Note that Req is chosen larger than VT/Ic1. The drain current of the transistor can

be written as

ID ¼ IDO
W

L
exp

VGS

n VT

� �
(5.34)

where n is the subthreshold slope factor. On the other hand, when the trans-

conductor is operating in the strong inversion region, it can be shown that

Io ffi V1 �V2ð Þ

ffiffiffiffiffiffiffiffiffi
2 Ic2
Ic1

r

Req þ
ffiffiffiffiffiffiffiffi
2

kIc1

r (5.35)

Thus, in both cases, the transconductance can be changed by tuning Ic2/Ic1. The
tuning range can be extended by designing the transconductor so that it can switch

from weak inversion region to strong inversion region continuously. Thus, the input

stage remains in weak or strong inversion, however, the output stage can move from

weak to strong or vice versa.
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Fig. 5.54 (a) A second-order Gm-C filter, (b) programmable version of (a) using variable Gm and

variable parasitics, and (c) programmable version of (a) using variable Gm but fixed parasitics

(Adapted from [5.47] #IEEE 2000)
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The resistor Req is realized as shown in Fig. 5.56b which comprises a parallel

connection of a large resistor and a small resistor. The large resistance is realized by

the output impedance of four parallel connected transistors in the saturation region,

when Vmode turns off MRS. On the other hand, when MRS turns on, the resistance is

that of MRS working in the triode region.

Fig. 5.55 (a) A unit transconductance element, (b) parallel connection of two transconductors, (c)

4-bit programmable constant capacitance transconductor, (d) fourth-order Gm-C filter using

transconductors of (c), (e) common mode feedback circuit, and (f) bias circuit for transcon-

ductance (Adapted from [5.47] #IEEE 2000)
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Fig. 5.55 (continued)
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The complete circuit of the transconductor is shown in Fig. 5.56c. The mode can

be selected by the circuit of Fig. 5.56d. If the gate voltage of MIC13 is greater than

VT, Vmode is set to “1” using the chain of inverters. Otherwise, it is set to zero ground

voltage. The authors have implemented a fifth-order elliptic low-pass filter.

The cutoff frequency was suggested to be tuned by changing the bias current of

the OTA which, however, is not implemented by the authors.

Chen et al. [5.49] have described a fourth-order OTA-C linear-phase filter with

automatic frequency tuning. The pseudo-differential OTA used in their design is

Fig. 5.55 (continued)
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Fig. 5.56 (a) Transconductor with wide tuning range, (b) equivalent resistor circuit, (c) complete

implementation of the transconductor, and (d) Vmode switching circuit for the transconductor

(Adapted from [5.48] #IEEE 2007)
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presented in Fig. 5.57a. Note that M3 and M4 operate in the saturation region and

M1 operates in the triode region. The transistor M2 and opamp form a RGC

(regulated gain control) loop to fix the drain voltage of M1 to Vtune independent

of the input signal level. The OTA uses CMFF, adaptive biasing as well as

CMFB as shown in Fig. 5.57b. The CMFF/bias circuit shown on the right is a

replica of a single branch of the OTA of Fig. 5.57a except that the transistor M1
0 is

split in two connected to the input voltage. The left circuit comprises a CMD.

TransistorsM5 andM5
0 work in the deep triode region to improve the linearity of the

CMFB. The circuit compares Vref with Vo and generates the CMFB correcting

current which is added to that of CMFF to provide overall control to the

transconductor. Transistors M6 and M6
0 are driven by the output of the OTA and

CM reference voltage, respectively. The equivalent circuit of the CMFB is shown in

Fig. 5.57c. Note that three parasitic poles exist at nodes A, B, and C of which the

pole at C is dominant.

A fourth-order filter is shown in Fig. 5.57d in which six OTAs use a CMFF/

CMFB /bias whereas the Q determining OTAs have only CMFF/bias due to the low

output impedance. The automatic tuning system is shown in Fig. 5.57e. Note that

Gm and C integrate VREF. The difference between the input and integrator magni-

tude is compared to generate a control signal to tune the integrator’s unity gain

frequency to the desired value.

Pankiewicz et al. [5.50] have described a field-programmable analog array

(FPAA) for CT OTA-C filter applications. This consists of 40 configurable analog

blocks arranged as five rows and eight columns. In addition there are three buffers.

Three different filters can be realized simultaneously. The CAB structure is shown in

Fig. 5.58a which has several switches around each CAB (see Fig. 5.58b) to facilitate

connection to other CABs using 12 switches. In addition the OTA has variable Gm

using 5 bits and a capacitor array has 5-bit control. Thus overall, 22 bits are used to

configure the CAB (configurable analog block). A total of 880 bits can configure the

complete FPAA. The OTA has controllable Gm whose structure is shown in

Fig. 5.58c. This is based on two cross-coupled differential pairs. The programmable

Fig. 5.56 (continued)
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current mirrors G1 and G2 can facilitate changing the Iout. It can be shown that the

output current is given as

Iout ¼ K Vb AVid (5.36)

Fig. 5.57 (a) Pseudo differential OTA, (b) common mode control circuit, (c) simplified CMFB

equivalent circuit, fourth-order equiripple linear phase filter, and (e) block diagram of the

automatic tuning system (Adapted from [5.49] #IEEE 2003)
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Fig. 5.57 (continued)
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where K ¼ 0.5 mCoxW/L and A is the gain of the current mirror. Thus A or Vb or

both can be used to program the Gm (¼ KVbA). The current mirror used is shown in

Fig. 5.58d which uses 31 cascode current mirrors connected appropriately using

switches. When a current mirror is not selected, its switches are used to connect its

gate of the lower transistor Mia to ground. The authors have suggested a tuning

technique shown in Fig. 5.58e. The reference is a cascade of four first-order filters

with a overall gain of 4. At the cutoff frequency, the total phase shift is 180 degrees

and the gain is 1. The output is compared with the input by a phase detector which

gives a control voltage to adjust the gm of the OTA. The reader is referred to [5.50]

for a complete description including the floating voltage source Vb.

Lewenski and Silva-Martinez [5.51] described a fifth-order low-pass elliptic

filter based on the RLC ladder filter. The OTA used is highly linear. The basic

principle of the OTA is illustrated in Fig. 5.59a. Note that an adaptive nonlinear

resistance is used between the sources of the differential pair using source degener-

ation. This is realized using the cross-connected transistors in the ADP (auxiliary

differential pair) block. This reduces the third-order nonlinearity. The cross-

coupled transistors introduce a negative resistance that increases with input voltage,

thus effectively controlling the degeneration resistance. Cancellation of THD

is possible under the condition GmPR � 1. The authors realize the condition

nGmNR ¼ 1 using a feedback loop as shown in the calibration circuit in Fig. 5.59b,

where n is the desired scaling factor. The high loop gain adjusts the tail current

ITBN until the condition VR ¼ VREF is met. The complete transconductance is

presented in Fig. 5.59c together with the common mode feedback loop. The CMFB

loop does not use adaptive degeneration. A fifth-order LP elliptic filter (see Fig. 5.59d)

was realized for powerline communications with 30 MHz bandwidth. The termina-

tion resistances were realized using polysilicon resistors. OTAs of fixed Gm were

used and capacitor arrays were used for frequency tuning of the filter.

Chen et al. [5.52] described the design of OTA-C filters using linearized OTAs.

A linearized cross-coupled differential pair based OTA is shown in Fig. 5.60a

Fig. 5.57 (continued)
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which uses source degeneration. The cross-coupling yields polynomial cancella-

tion. They have shown that HD3 can be completely cancelled under ideal

conditions. However, the parasitic capacitances, mismatches between resistors

and transistors will limit the accuracy of cancellation. In addition, the OTA excess

phase also affects performance. The authors have also considered using FGMOS

(floating gate MOS) transistors in place of M1 and M2 as shown in the complete

circuit in Fig. 5.60b. The FGMOS transistor including all capacitances is illustrated

in Fig. 5.60c which results in input attenuation. The transistors M6 and M7 perform

Fig. 5.58 (a) Field-programmable analog array structure, (b) structure of configurable analog

block (CAB), (c) simplified schematic of CMOS programmable OTA, (d) simplified schematic of

programmable current mirror, and (e) schematic of tuning circuit (Adapted from [5.50] #IEEE

2002)
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current division and facilitate tuning of the transconductance without changing core

OTA biasing conditions. Note that the common mode signal can be obtained at the

junction of resistors R1 (VCM). It has been shown that the FGMOS type of OTA

improves linearity up to 10 dB at 20 MHz when compared to equivalent OTA not

using FGMOS input transistors. The reader is referred to [5.52] for more

information.

Silva-Martinez et al. [5.53] have described a seventh-order linear phase OTA-C

filter with on-chip automatic tuning. The OTA is based on complementary differ-

ential pairs as shown in Fig. 5.61a. Note that degeneration is provided by transistors

Fig. 5.58 (continued)
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MRN and MRP for the n channel and p channel differential pairs, respectively. The

transistor MRN is split to obtain the CM signal. The even harmonic components are

cancelled whereas the third harmonic components still exist. The OTA can be

designed in two ways: (a) VDSAT1 ¼ VDSAT2, ID1 ¼ ID2 and NP ¼ NN where NN ¼
gm1/2GoR where GoR is the small signal transconductance of MR; and (b) using the

same dimensions for p and n channel input devices in which case VDSAT2 will be

larger than in the previous case. Hence nonlinear components are dominated by an

n-channel differential pair. The CMFB arrangement is presented in Fig. 5.61b

which has three parasitic poles. The stability can be improved using the OTA

circuit of Fig. 5.61c where capacitors CL provide a shorter path for high-frequency

signals. The authors describe an automatic tuning system shown in Fig. 5.61d where

the input amplitude and output at the unity gain frequency of an integrator are

compared to provide a control signal to node VT,n in Fig. 5.61a for adjusting fu by
tuning Gm. The squarer is realized using the circuit shown in the inset of Fig. 5.61d.

Chatterjee et al. [5.54] have presented techniques for designing 0.5 V supply-based

filters. They exploit the use of forward biasing the body source junction of transistors

for reducing theVT of the devices. They consider two structures: (a) with input to body

and (b) with input to gate. A body-input fully differential OTA with local common

mode feedback is shown in Fig. 5.62a. Inputs are applied to the bodies of PMOS

devicesM1A andM1B and their Gmb provides the transconductance. These are loaded

byM2A,M2B which act as current sources. The transistorsM3A andM3B form a cross-

coupled pair realizing a negative resistance thereby boosting the differential gain. The

commonmode signal is detected byRA andRBwhich is fed to the gates of devicesM1A,

M1B,M3A, andM3B. The purpose ofM4 is to create a small dc shift between the output

common mode voltage 0.25 V and the gate bias of 0.1 V. A cascade of two stages as

shown in Fig. 5.62b realizes the two-stage OTA. The OTA is stabilized by adding

Miller compensation capacitor CC with series resistors RC.

Fig. 5.58 (continued)
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Fig. 5.59 (a) Technique for linearity enhancement of OTA, (b) self bias circuit (c) complete

transconductor with CMFB and (d) a fifth-order elliptic filter implementation (Adapted from

[5.51] #IEEE 2007)



The gate input OTA is presented in Fig. 5.62d which is based on the basic

configuration of Fig. 5.62c. The body terminal is used for biasing. The input differen-

tial pair is formed byM1A,M1B and active loadsM2A,M2B. The resistors R1A and R1B

provide common mode feedback through the active loads. A level shifting current IL
develops a 0.15 V drop across R1A and R1B so that M2A and M2B operate in the

moderate inversion. The bodies ofM2A andM2B are connected to the gate to reduce

their VT. The devicesM4A,M4B realize a negative resistance for further enhancing the

gain. The body voltage of this cross-coupled pair is controlled by the bias voltageVNR.

A common mode feedforward path is added through M5A, M5B, M6, M3A, and M3B.

The two-stage OTA based on the structure of Fig. 5.62d is shown in Fig. 5.62e.

Note that in the second stage,M11A andM11B realize the negative resistancewith their

body voltage controlled by the low common mode voltage at the output. The OTA is

stabilized through the Miller capacitors across the second stage.

The OTA of Fig. 5.62e requires three biasing voltages Vbn, VL, and VNR. The

authors use replica circuits extensively to generate these bias voltages. An error

amplifier based on inverters is shown in Fig. 5.63a. The inverter compares its

switching threshold voltage withVDD/2. The stability of the feedback loop is ensured

through the compensating resistor Rea and capacitor Cea. The generated Vamp is used

to derive the level shifting voltage VL using the circuit of Fig. 5.63b. The voltage VL

is generated by the resistors Rlc and the current source realized by NMOS transistor.

The voltage VY is 0.25 V and the voltage across Rlc is 0.15 V. This voltage drop is

ratioed and transferred to the level shifter. Next, the Vbn is generated by the circuit of

Fig. 5.63c. The output common mode voltage of the front-end opamp is compared

with 0.25 V and the difference is amplified to control Vbn. Finally, the cross-coupled

pair of devices M4A and M4B generating negative resistance (see Fig. 5.62d, e) are

biased by VNR generated by the circuit of Fig. 5.63d. A Schmitt trigger oscillator

formed by OTA, R, and C oscillates at a frequency given by

f o ¼
1

2RC

1

ln 1þb
1�b

(5.37)

Fig. 5.59 (continued)
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Fig. 5.60 (a) OTA based on cross-coupled differential pairs with degeneration resistors, (b)

schematic of FGMOS OTA, and (c) FGMOS transistor with all capacitances and equivalent

seen from Vi (Adapted from [5.52] #IEEE 2006)
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where b ¼ Vhyst

VHL
with Vhyst is the difference between trigger voltages for rising and

falling edges and VHL is the difference between the two output levels of the Schmitt

trigger. When oscillations are present, the output of the XNOR gate decreases.

Otherwise, the output increases, thus controlling the oscillator.

The OTAs are used to realize tunable damped integrators using the circuit of

Fig. 5.64a which use three terminal varactors based on weak inversion MOS

capacitors. The tuning voltage is applied to the body and source and drain are

connected together. The capacitance is between gate and source. The resistors at the

input to V DD maintain the voltage at virtual ground of 0.4 V. A fixed capacitance is

also connected across the varactor.

Fig. 5.61 (a) OTA based on complementary differential pairs, (b) CMFB arrangement exploiting

direct connection of OTAs, (c) OTA with load capacitors used for stabilization of CMFB loop, and

(d) frequency tuning loop together with squarer shown in inset (Adapted from [5.53]#IEEE 2003)
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The authors have fabricated a fifth-order low-pass elliptic filter for a 135 KHz

cutoff frequency using the leap-frog technique. An on-chip PLL-based automatic

frequency tuning loop is also incorporated (see Fig. 5.64c) which uses a three-phase

RC oscillator shown in Fig. 5.64b with a nominal frequency of f o ¼
ffiffi
3

p
2pRa Ca

. The

XOR detector compares the reference frequency with the VCO frequency and

controls the body voltage of the capacitors in the VCO. The VCO control voltage

Vtune is fed to all the capacitors in the filter.

Andreani and Matison [5.55] have considered the use of the Nauta

transconductor [5.29] for low-frequency applications. They have derived the effect

of NQS (nonquasi-static) behavior of resonators and conclude that there is a

possibility of instability of LC resonators (see Fig. 5.65b). They also point out

that in the case of band-pass filters, tank transconductors need a low dc gain to

achieve high-Q whereas transmission transconductors need a high gain. They have

Fig. 5.61 (continued)

5.12 Gm-C Filters for Other Applications 567



described two band-pass filters: one for a low IF receiver and another for a real

band-pass filter. The complex band-pass filter is based on the fifth-order

Butterworth filter prototype of Fig. 5.65c. Note that this is followed by a notch

stage to increase the out-of-band attenuation close to pass-band. The real filter is a

fourth- plus fourteenth-order doubly terminated band-pass ladder filter as shown in

Fig. 5.65d. The reader is referred to their work for an exhaustive discussion on

Nauta’s transconductor.

Fig. 5.62 (a) Fully differential body-input gain stage with CMFB, (b) two-stage version of (a)

with Miller compensation, (c) conceptual circuit of a gate-input OTA, (d) more detailed version of

(c), and (e) two-stage fully differential OTA using (d) (Adapted from [5.54] #IEEE 2005)
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Nauta’s transconductor shown in Fig. 5.65a has the advantage that there are no

internal nodes and hence the parasitic capacitances can be merged with the filter

capacitances.Note thatVDD is not power supply but a voltage generated by a frequency

tuning loop. The common mode and differential mode gains are, respectively,

Acm ¼ gm
3gm þ2gd

; Ao ¼ gm
3gd

(5.38)

Since Acm is less than unity, there is no concern about common mode stability.

For very high frequency applications, short channel devices must be used leading to

low gain Ao. However, in such cases, supply voltage can be tuned to obtain Gm5 

gm6 – (gd1 + gd5 – gd6) to obtain high Ao.

Fig. 5.62 (continued)
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Fig. 5.63 (a) Error amplifier

for fixing the switching

threshold voltage to VDD/2,

(b) circuit for biasing the

level shifting current source,

(c) circuit for generating body

bias of input NMOS devices

to set the common mode

voltage, and (d) Schmitt

trigger-based oscillator and

biasing technique to improve

the gain of the OTA (Adapted

from [5.54] #IEEE 2005)
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5.13 Gm-C Filter Tuning Techniques

Durham et al. [5.1] and Durham et al. [5.2] have suggested a tuning scheme using a

dual-slope calibrator shown in Fig. 5.66a. The basic principle is to match the time

constant in the filter with a reference clock. As shown in the timing diagram in

Fig. 5.66b, capacitor Co is reset and during ’B, R1 and Co and the opamp work as an

integrator thus generating the negative voltage ramp waveform. At the end of ’B

(2N clock cycles), the SC branch C1 pumps charge into capacitor Co. When the

voltage Vo reaches ground and the comparator changes state, the counter value is

Fig. 5.64 (a) 0.5 V tunable damped integrator, (b) three-stage low-voltage oscillator, and (c)

block diagram of the full chip (Adapted from [5.54] #IEEE 2005)
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read indicating the number of clock pulses used to reach zero voltage. This value is

fed to all the resistors in the filter. Evidently, dVo ¼ VREF
C1

Co
and VREF 2N Tck

Co R1
¼

VREF C1 ns
Co

.Thus, the tuning code is n ¼ 2N Tck

C1 R1
.

Vemulapalli et al. [5.56] suggested a technique for tuning continuous-time filters

using time constant matched master–slave tuning combined with power-up mis-

match calibration. The system-level block diagram is shown in Fig. 5.67a which

combines the advantages of direct and indirect tuning methods. In the indirect

tuning method (e.g., master–slave technique), tuning is performed in the back-

ground without affecting normal filter operation. The PVT variations in the slave

filter are annulled by the PVT invariant master filter only in the ideal case.

However, mismatch between the master and slave filters limits the accuracy to

about 5%. Moreover, in low voltage designs, the room for tuning range is limited by

the threshold voltage of theMMaster (Mslave) transistor (see Fig. 5.67b showing a SC

frequency control loop).

In the digitally programmable master–slave tuning circuit of Fig. 5.67c, the

master reference tunes the slave filter continuously to the required frequency. On

the other hand, the power-up direct tuning cancels the master–slave mismatch thus

resulting in a very accurately tuned filter. On power-up, a sine wave typically of the

3-dB frequency of the filter is applied to the slave filter. The master–slave mismatch

is measured by the output amplitude of the filter and correction is applied to the

slave filter. After this step, the filter is switched back to normal operation.

In Fig. 5.67c, a resistor R is used in series with a MOSFET in order to reduce the

contribution of the nonlinearity of the MOSFET. The tuning loop makes the sum of

Fig. 5.64 (continued)
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Fig. 5.65 (a) Nauta’s symmetric transconductor, (b) active LC resonator, (c) passive low-pass

filter prototype for the complex filter, and (d) passive prototype of the real band-pass filter

(Adapted from [5.55] #IEEE 2002)
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R and MOSFET resistance equal to the resistance of the SC. Note that capacitor C1

is replaced by a 5-bit PCA. The calibration can take into care of a �10% mismatch

between the master and the slave.

Fig. 5.66 (a) Dual slope calibrator, and (b) timing diagram of the calibrator (Adapted from [5.2]

#IEEE 1992)
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The sine wave source is synthesized using a digital state machine and a nonlinear

current-mode D/A converter (see Fig. 5.67d). There are only four current sources

used. The current-to-phase mapping is as shown in table in the inset of Fig. 5.67d.

Fig. 5.67 (a) Combined master–slave and power-up direct frequency tuning, (b) master–slave

tuning circuitry, (c) digital programmable version of (c), (d) digital synthesis of a sine wave using

array of current sources, (e) mismatch detection and correction scheme, (f) peak detector sche-

matic, and (g) differential difference comparator (Adapted from [5.56] #IEEE 2005)
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The mismatch detection circuit is presented in Fig. 5.67e. The peak filter output is

detected by a peak detector and is comparedwith the reference peak voltage. The error

signal of the comparator is integrated by a counter and then used to drive the capacitor

Fig. 5.67 (continued)
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bankC1. The peak detector is shown in Fig. 5.67f. The output capacitors are charged to

Vowhen the comparator determinesVo > Vpeak. As long as the input remains less than

Vpeak, the comparator output is low thus switching off the transmission gate (TG).

Once the input goes above Vpeak, TG turns on and the new peak voltage is updated on

the capacitor. A differential difference comparator shown in Fig. 5.67g compares

(Vpeak+ – Vpeak-) with (Vref+ – Vref-) and provides a 1-bit error signal.

Sumesaglam and Karsilayan [5.57] have described a digital approach for tuning

CT high Q filters. The authors use the phase response of a second-order block rather

than magnitude for tuning so that the Q-tuning and center frequency tuning are

independent of gain. This technique is based on the observation that at oa and ob,

the phase of the band-pass output is �45� and �135�. For digital implementation,

the measurement frequenciesoa andob are discretized as (N � 1)oi and (N + 1)oi

where N is an integer and the center frequency is Noi. The frequency oi can be

obtained from a reference frequency oR such that oi ¼ oR/M. The parasitic poles

exist, however, in second-order filters due to various parasitic capacitances, output

resistances of transconductors, and the excess phase of the gms. Denoting the

nonideal transfer function as H0(s)LP, we have

H0ðjoÞj jLP ¼ aðRðoÞ þ jIðoÞÞ (5.39)

Hence, f0ððN � 1ÞoiÞj j ¼ �45� and f0ððN þ 1ÞoiÞj j ¼ �135� need to be solved

where f ¼ tan�1 IðoÞ
RðoÞ
� �

. It is also possible to choose the tuning frequencies taking

into account the estimated value of the parasitic pole position for high-frequency

filters. The tuning frequencies will then be N1oi and N2oi.

The complete tuning system based on the above principles is shown in

Fig. 5.68a. If Qod and ood are the desired pole-Q and pole-frequency, then we have

N ¼ 2Qd ; M ¼ 2Qd

oR

ood
(5.40)

Note that the input frequency of the filter is switched between (N � 1)oR/M and

(N + 1)oR/M using the MUX control. The signals V45 and V135 are delayed clocks

whereas Vo is a clock signal without delay. VF and VQ are the control voltages for

changing the frequency and Q, respectively.
The filter is calibrated when the “Tune” signal is high. Normal operation is

resumed when the “Tune” signal is low. The two reference frequencies o1 and

o2 are changed periodically. When o1 is applied, the phase of the low-pass output is

compared with �45�. The phase detection is carried out using a D flip-flop (see

Fig. 5.68b). The low-pass output is given to clock input and reference is applied to

the D input. If the delay is more than 45�, the flip-flop stores high. The output of the
flip-flop updates the U/D counter when the Tune signal is high. Note that VF and VQ

do not change simultaneously. The DAC is needed only in the case of analog tuning

being used for tuning the filter.
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5.14 SC Filters Using Comparators

Comparator-based SC (CBSC) circuits have been proposed for scaled CMOS

technologies [5.58]. In these, a comparator and current source replace the opamp.

The circuits using opamps can thus be easily adapted to realize CBSC circuits. In an

opamp circuit, the opamp forces a virtual ground whereas in CBSC circuits, a

comparator detects the virtual ground during the charge transfer process and triggers

sampling. The operation of a CSBC amplifier is considered next to illustrate these

ideas. The operation of this circuit is in three phases. In a small duration preset phase

I, as shown in Fig. 5.69a, by connecting the capacitor C1 to ground using switch P,
the voltageVx goes toVxo, a voltage belowVcm. In the coarse charge transfer phaseE1,

the circuit is as shown in Fig. 5.69b. This phase is used to get a rough estimate of the

output voltage. Due to the finite delay of the comparator and high output ramp rate,

the output will overshoot the final value Vo. The comparator output switches the

Fig. 5.68 (a) Complete tuning system, and (b) timing circuit (Adapted from [5.57]#IEEE 2003)
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Fig. 5.69 CBSC amplifier: (a) preset phase configuration, (b) coarse charge transfer phase

configuration (E1), (c) fine transfer phase configuration (E2), (d) overshoot cancellation technique

with waveforms, (e) a two-stage 1.5-bit/stage CBSC pipe-lined ADC, and (f) threshold detection

comparator preceded by band-limiting preamplifier (Adapted from [5.58] 2006)
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Fig. 5.69 (continued)
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current source I1 in this phase. In the fine transfer phase,E2 (see Fig. 5.69c), the current

sink I2 is switched on. Note that I2 < I1. When the output of the comparator reaches

the threshold crossing, I2 is switched off after the sampling switch S opens. The output
Vo will be the desired value. Note that the fine transfer time is large. The coarse

transfer phase uses a large current to charge the output capacitance. The overshoot

value can be reduced by having a modified circuit as shown in Fig. 5.69d. Note that

the voltageVoc is a reference voltage that is lower thanVcm. The overshoot and voltage

drop across the switches cause nonlinearity and can create offset. It can be shown

that the noise of the CBSC circuit is dominated by the threshold detection comparator.

The input referred noise can be reduced by using a band-limited preamplifier.

Florenza et al. [5.58] have described a 1.5-bit/stage CBSC pipeline ADC com-

prising two stages as shown in Fig. 5.69e. The threshold detection amplifier is

Fig. 5.70 (a) Fully differential second-order S-D modulator, (b) preamplifier of the threshold

detection comparator, and (c) ramp generator with a CMFB circuit (Adapted from [5.59] #IEEE

2009)
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shown in Fig. 5.69f where several low swing gain stages are employed following

a bandlimiting preamplifier. The bandlimiting amplifier output is limited by

two diode-connected transistors for faster recovery. The last gain stage drives two

level converters whose output is buffered using CMOS inverters.

Huang and Liu [5.59] realized the preamplifier as shown in Fig. 5.70b using a

self-biased differential amplifier [5.60]. It consists of a replica input stageM1–M4 to

serve as the self-biased CMFB circuit. The ramp generator is shown in Fig. 5.70c.

Note that I1 and I3 are coarse current sources and I2 and I4 are fine current sources.
The pull-up current sources are fixed whereas the pull-down current sources are

controlled by the CMFB circuit. The CMFB circuit adjusts the pull-down current

sources to match the pull-up ones. In Phase P1, the charges on capacitors C1 and C2

are reset. These capacitors sense the differential outputs VOP and VON. If the two

fine or coarse current sources have different magnitudes, the difference between

VOAVG and VCM is amplified by ACMFB to adjust the current sources. The effective

open loop gain of the CMFB circuit is CTRo/(btd) where b is the feedback factor

where CT is the total capacitance at the output of the stage, Ro is the output resistance

Fig. 5.70 (continued)
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of the current source, tD is the delay of the threshold detection comparator. The large

Ro is obtained by using cascode devices.

White et al. [5.61] studied the errors in CBSC-based biquads. They note that the

average overshoot voltage produces offset voltage. The comparator delay varies with

the ramp rate. The total variation in overshoot voltage is dominated by the finite output

resistanceof thechargingcurrent sources.Forhigh samplingfrequencies, themagnitude

and phase errors are approximately tD/RC, where tD is comparator delay. The CBSC

errors are equivalent to those of SC integrators when A ¼ (RC/tD) (1/f). The reader

is referred to [5.61] for a detailed analysis of the CBSC-based integrators and biquads.

5.15 Sigma-Delta Modulators

A pseudo differential version of the inverter-based SC integrator [5.62] is shown in

Fig. 5.71 which circumvents the need for a CMFB circuit. This does not limit the

output swing of the integrator. Note that CMFB capacitors CM are discharged to

ground during j1 and form a CM detector in ’2. The difference between the CMFB

detector output and signal ground is fed to the integrator. The CMFB loop gain is

CM/CI. The capacitor CM does not load the D-Smodulator. The circuit is immune to

offset mismatch as well.

When VDD ¼ VTn + VTp, the power settling time product (product of average
power consumption per switching event and setting time) is optimal. During ’1 and

’2, the devices M1 and M2 go through weak and strong inversion regions.

The operation in class C is preferred over class AB since the slew rate, power

efficiency, and the common mode input range are superior and the circuit needs low

Fig. 5.71 Psudo-differential inveter based SC integrator (Adapted from [5.62] #IEEE 2009)
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supply voltages. The thermal noise of such integrators is lower than SC integrators

using OTA.

Chae andHan [5.62] described three sigma-deltamodulators shown inFig. 5.72a–c

using inverter-based integrators. The quantizer is shown in Fig. 5.72d. The first

S-D modulator (see Fig. 5.72a) is 1-bit second-order and uses single loop. The

second S-D modulator (see Fig. 5.72b) is third-order single loop and uses class AB

Fig. 5.72 Sigma-delta modulators using inverters: (a) modulator I (b) modulator II, (c) modulator

III, and (d) schematic of the quantizer (Adapted from [5.62] #IEEE 2009)

584 5 Practical Designs of VLSI Analog Filters



operation for the inverters (VTn + VTp < VDD). The third using feedforward topology
is a third-order sigma-delta modulator and uses pseudo differential configuration.

The reader is referred to [5.62] for more design information.

Pavan and Sankar [5.63] described a third-order CT S-D modulator using the

architecture of Fig. 5.73a. The objective was to achieve low distortion and low

power consumption. The S-Dmodulator uses an active filter using CIFF (cascade of

integrators with feedforward). It has a direct path to the input of the comparator via

RD. A 1-bit A/D converter is employed. The DAC is realized using the SCR

technique as shown in Fig. 5.73c. The first integrator with the DAC output summa-

tion is shown in Fig. 5.73b. Note that in the ’2 phase, the capacitor is charged to the

input and in the ’1 phase, an exponentially decaying pulse is produced as shown in

Fig. 5.73d with a time constant defined by CD and RD. The RD used was 18 KO and

the switches have resistance of 4.5 KO and CD ¼ 1.1 pF. The first integrator uses

the assisted-opamp technique in order to have adequate linearity and reduced power

dissipation. As explained before, the virtual ground is created by the feedback of the

assistant current as described earlier in Sect. 5.5 (see Fig. 5.17). The noise

introduced by the DAC due to clock jitter is proportional to the discharging current

I1 ¼ Vref

RD

� �
e�

T
2t where t ¼ CDRD and can be reduced by choosing a small t but it

increases the peak current thereby imposing more stringent conditions on the

linearity of the integrator. The large value of resistor Rx is needed to realize the

notch frequency and is realized by the T network (using Rx, Rx1, and Rx2; see

Fig. 5.73a). The opamp shown in Fig. 5.73e is feedforward compensated with

p channel input devices to reduce noise. M5 and M6 provide CM feedback for the

first stage. M1–M4 have a long channel to reduce the input referred noise. The

CMFB is realized using transistors to detect the common mode voltage. This is

better than using resistors which will degrade the gain of the amplifier and further-

more, it saves area. The second stage of the opamp is formed by transistorsM7–M10

which uses a local CMFB using a resistor-based CM detector.

The comparator used together with the waveforms is shown in Fig. 5.73f. When

LC is high, the inverters formed by M1, M2, M3, and M4 are disabled and the

differential input is sampled on nodes X and Y. After LC falls, the regeneration

begins when L goes high. The decision of the latch is sampled by two clocked

CMOS inverters. The assistant transconductor is a class AB design consisting of

complimentary common gate stages M2 and M6 (see Fig. 5.37g).

The exponentially decaying pulse generator [5.64] needed for the assistant DAC

is shown in Fig. 5.73h. During F1, the capacitor is charged to Vhigh. In F2, it is

discharged to Vlow ¼ VTn through a resistor R. The gate voltage of M1 is an

exponentially decaying pulse with a time constant t ¼ RC.
Chae et al. [5.65] described a S-D architecture for a 2.1-M pixel, 120-frames/s

CMOS image sensor. The architecture is presented in Fig. 5.74a. The image sensor

consists of a pixel array, column-parallel S-D ADCs, buffer memory, scanning

circuits, and bias circuits. The pixel output is fed to a S-D ADC for conversion

with correlated double sampling for offset cancellation. The S-D ADC is followed

by a digital decimation filter. The 14-bit output of the decimation filter is transferred

to a buffer memory.
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Fig. 5.73 (a) S-D modulator architecture, (b) schematic of first integrator, (c) schematic of

differential SCR DAC, (d) exponentially decaying pulse produced by the DAC, (e) operational

amplifier used in the first integrator, (f) schematic of comparator together with switching

waveforms, (g) transconductor used in the assistant, and (h) exponentially decaying pulse genera-

tor (Adapted from [5.63] #IEEE 2010)



Fig. 5.73 (continued)
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Fig. 5.74 (a) Block diagram of CMOS image sensor, (b) block diagram of second-order sigma-

delta modulator, (c) SC implementation of (b), (d) cascaded integrator, and (e) decimation filter

(Adapted from [5.65] #IEEE 2011)
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The two-loop sigma-delta modulator uses a scheme of Fig. 5.74b and its SC

implementation is shown in Fig. 5.74c using inverters in place of opamps to

conserve power and area as described earlier. This uses the well-known offset

compensation techniques described in Chap. 4. The offset is sampled on CC and

CS with input connected in Phase F1, and in F2 the charge on CS is transferred to CI

and the offset is cancelled by subtraction of the offset stored on CC in F1. This

technique reduces the noise of the inverter as well. The input capacitor of the first

integrator in the S-D modulator is split in two: one for connecting the input and

another to provide a dc offset to compensate the dc offset of the pixel which is 2 V.

Before every conversion cycle, the S-Dmodulator capacitors are reset (discharged)

and then the conversion starts.

The decimation filter is made up of a second-order cascaded integrator

(see Fig. 5.74d). The input VPixel is constant. Thus that fact can be taken into

account in simplifying the design of the decimator. It can be shown that the output

of the decimator can be expressed as

DoðzÞ ¼ YðzÞ
ð1� z�1Þ2 ¼

z�1

ð1� z�1Þ2 XðzÞ þ EðzÞ (5.41a)

Since x is constant, it follows that

DðoutðnÞÞÞ ¼ nðnþ 1Þ
2

þ EðnÞ (5.41b)

After n clock cycles, in order for the quantization error to be less than half LSB, the
required number of cycles of the incremental S-D converter can be computed. For a

12-bit resolution, 95 clock cycles are required. Due to the possible inaccuracy of

integrator coefficients, the authors use 110 clock cycles. Note that in the cascaded

integrator shown in Fig. 5.74d, the first block is a simple counter since the input is 1

bit. The second stage, however, is an accumulator. The offset cancellation is

achieved by a simple modification of the circuit of Fig. 5.74d as shown in

Fig. 5.74e wherein two steps are needed. In the first step, with zero input, after

resetting the register,Dout is computed by operating the S-D converter for 110 clock

cycles. This value is saved in the register and in the second actual conversion takes

place with input DSIG present for another 110 cycles.

Fig. 5.74 (continued)
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The IC fabricated in a 0.13 mm process caters for a pixel array of 12.1 M pixels

with each pixel size of 2.25 mm � 2.25 mm. The rows and columns are

1,696 � 1,212. The FOM used for such devices which represents energy efficiency

of an image sensor is

FOM ¼ Power:noise

#of pixels:Framerate
109 ðe� njÞ (5.42)

For the proposed converter, it is 1.70.

A fifth-order CT sigma-delta modulator using single-opamp resonators has been

presented by Matsukawa et al. [5.66]. The architecture of this chip is shown in

Fig. 5.75a. It uses a 3-bit quantizer (flash ADC). Two second-order filters and one

first-order filter are used. The use of SAB for the resonator reduces the power

consumption and area. The single opamp resonator is derived from a twin-T based

active RC filter systematically so that the numerator can be of universal type with

each coefficient controllable independently. The S-D converter also uses a

feedforward path. In order to increase the speed, the current summation is done at

the virtual ground of the first-order filter.

The ringing relaxation filter shown in Fig. 5.75b suppresses the ringing of the

integrator due to the phase compensation resistor. Note that the ringing relaxation

filter is basically an integrator with compensation using series resistor Rz. The

addition of current steering DAC causes ringing, which is suppressed by splitting

the integrator capacitor into two Cb and Cint to bypass the high-frequency

components.

The opamp used in this design is presented in Fig. 5.75c which is a single-stage

telescopic configuration and includes CMFB. The excess loop delay of the S-D
modulator is compensated using a second feedback path using DAC2. The opamp-

less adder is elaborated in Fig. 5.75d which sums three signals with attenuation. The

adder also is passive-type in order to avoid problems of finite opamp bandwidth in

the case of an active adder.

5.16 LC Filters

Vallese et al. [5.67] described the design of an integrated notch filter for rejection of

interference in UWB systems. The ultra wide-band communication is used for short

range communication at data rates up to 480 Mb/s using multi-band OFDM format.

The frequency band 3.1–10.6 GHz is divided into fourteen 528-MHz wide bands.

These are grouped into four groups. Three groups contain three bands each whereas

the last group contains two bands. There are several other systems such as wireless

LANs in the 5–6-GHz band. In this case, the second band group is dropped. On the

other hand, Bluetooth and IEEE 802.11b/g systems operate in the 2.4–2.5 GHz

band. WiMAX operates in the 2.5–2.9 GHz, 3.4–3.6 GHz, and 5.2–5.9 GHz bands.
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Fig. 5.75 (a) Schematic of fifth-order CT S-D ADC, (b) integrators with compensation resistor,

(c) single-stage telescopic opamp with continuous-time CMFB, and (d) opamp-less resistor adder

(Adapted from [5.66] #IEEE 2010)
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Cell phones utilize the 0.9–1.9 GHz frequency band. Thus, all these other systems

are “blockers” for UWB systems. Interference from other bands can cause suppres-

sion of receiver gain and also intermodulation products due to other systems may

fall in the UWB band. The hardest blockers are from WiMAX in the 3.6–3.9 GHz

and those in the 5–6 GHz band. Vallese et al. [5.67] consider operation in the

3.1–4.8-GHz band (also denoted as Mode1). They have implemented the architec-

ture of Fig. 5.76a shown comprising LNA, a notch filter, and a buffer in the first

version. The second version comprises a double-balanced mixer and additional

buffers. The basic circuit of the LC notch filter is shown in Fig. 5.76b and the

equivalent circuit is shown in Fig. 5.76c. The basic notch filter configuration is

based on series resonance of a reactive network working in the current mode. At the

notch frequency, the drain current of the transistor is diverted away from the signal

path so that a notch appears in the current transfer function. The capacitance Cp is

due to parasitics. The circuit exhibits parallel resonance at a frequency higher than

the notch frequency (see Fig. 5.76d). Thus the rolloff of the notch is steeper at the

high-frequency side. An alternative topology shown in Fig. 5.76e has two series

resonances and thus introduces an additional notch at a higher frequency and makes

it possible to realize a flatter pass-band (see Fig. 5.76f). In the presence of parasitic

resistances of the inductors (see Fig. 5.76g), the response deteriorates to that shown

in Fig. 5.76h. The parasitic resistances can be compensated by using a negative

resistance RN (see Fig. 5.76g). The value of RN is chosen to compensate the loss at

the higher notch frequency. The authors describe a detailed optimization procedure

for choosing the values of inductors, capacitors, and negative resistance so as to

minimize the power dissipation and area as well.

Since the blocker frequency may not be at a fixed frequency, a tuning procedure

will be required for which varactors can be used as shown in the complete circuit in

Fig. 5.76i in which case continuous tuning can be done. Alternatively, programma-

ble capacitor arrays can be used. In the latter case, discrete tuning steps are required.

The tuning for the desired frequency band can be carried out by measuring the Vx/ID
through the received signal strength indicator (RSSI) since Vx/ID is a band-pass

transfer function and can be set to maximum by tuning the capacitor array. This

guarantees that notch is realized at the blocker frequency. Note that changing C2

also necessitates changing RN. In order to facilitate this, the authors suggest a

calibration procedure wherein the circuit can be configured as an oscillator as

shown in Fig. 5.76j. The complete notch filter circuit in both cases is presented in

Fig. 5.76i, j wherein a fully differential structure is used. Note that tightly coupled

coils are used to realize the inductance L1 whereas a symmetric coil is used to

realize the inductance L2. Note that the cross-coupled transistorsM5 andM6 realize

a negative resistance. The switches A are used to ground the input when the filter is

turned off to avoid spurious resonances. In the second configuration shown in

Fig. 5.76j, the switches are connected to VDD. The switches SR and capacitors CR

(which are a replica of C1) are used for calibration by connecting the circuit as an

oscillator. The resulting binary words controlling the capacitor array are stored for

later use when configured as a notch filter for the chosen blocker frequency.
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Fig. 5.76 (a) Block diagram of a UWB receiver, (b) schematic of a notch filter, (c) equivalent of

(b), (d) frequency response of (c), (e) double-inductor notch filter, (f) frequency response of (e),

(g) nonidealities in (e), (h) frequency response of circuit in (e), (i) schematic of notch filter

version 1, and (j) version 2 (Adapted from [5.67] #IEEE 2009)
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Pirola et al. [5.68] extended the in-band noise shaping approach of Tekin et al.

[5.15] discussed earlier to realize a WCDMA channel filter for current mode

applications. They denote such filters as PIPE filters which pass signal in the

pass-band and noise in the stop band. In the pass-band, the output current equals

the input current whereas in the stop-band both noise and distortion components

enter the pipe and reach the output. A first-order pipe filter is conceptually

illustrated in Fig. 5.77a. It can be noted that the input current Iin leaves through

the drain of the transistor whereas the noise of the MOS transistor is high-pass

filtered at the Iout terminal as shown in the frequency response of signal and noise in

Fig. 5.77a. At low frequencies, when the capacitor is an open circuit, the noise

current of the transistor is forced to recirculate whereas at high frequencies, it

reaches the output. The noise output can be expressed as

Noiseout ðoÞ ¼ 4kTgGm

o
op

� �2
1þ o

op

� �2 þ 4kTg
Gm R2

s

1

1þ o
op

� �2 (5.43)

Note that the second term is due to the source resistance and is not high-pass

filtered.

The circuit can be extended to realize a second-order filter by using the configu-

ration of Fig. 5.77b. The realized second-order transfer function is given by

Iout
Iin

¼
g2m

C1C2

s2 þs gmC1
þ g2m

C1C2

(5.44)

where gm is the transconductance of M1 and M2. Note that the Q depends on the

ratio of capacitors. The transistor M1, inverter of gain �1 and C2 realize an active

inductor. The total noise due to the bias current sources and due to transistorM1 and

M2 is shown in Fig. 5.77c. Note that the flicker noise is present at low frequencies.

The noise of the bias generator also is important. Beyond the filter cut-off fre-

quency, the noise of M2 and upper current bias generator remain unfiltered. A

fourth-order fully differential filter for WCDMA applications is shown in

Fig. 5.77d. The cutoff frequency chosen was 2.8 MHz which is 1.45 times the

channel bandwidth of 1.92 MHz. The blockers occur at 10 MHz and 20 MHz.

Dhanasekharan et al. [5.69] have described a fifth-order active-LC-Butterworth-

type equalizing filter. The concept of the series resonator-based prototype is

illustrated in Fig. 5.78a whose transistor implementation is as shown in Fig. 5.78b.

The resistance Rs in Fig. 5.78a can be realized by the transistorM1. Note thatM1 also

helps to tap out the band-pass current output. The equalizer based on the Fig. 5.78b

is presented in Fig. 5.78c whose transfer function can be derived as

IoðsÞ ¼ � VinðsCþ Gm2Þ
s2 LCþ s C

Gm1
þ 1

(5.45)
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Note that the additional transistor M2 realizes the second term creating a real

zero thus causing an increase in gain at the rate of 6 dB/octave at high frequencies.

The equalizing zero needs to be placed two octaves ahead of the resonant frequency

to achieve a 12-dB equalization gain. This means that Gm2/C ¼ oo/4 where

oo ¼ 1ffiffiffiffiffi
LC

p . The equalization gain can be programmed by scaling the band-pass

current. RL and CL represent the I/V converter and load capacitor. These introduce a

parasitic pole.

Fig. 5.77 (a) First-order LP pipe filter, (b) current biquad cell, (c) output noise of the biquad of

(b), and (d) schematic of fourth-order filter (Adapted from [5.68] #IEEE 2010)
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A fifth-order fully differential Butterworth filter realized using the biquad of

Fig. 5.78c is presented in Fig. 5.78e which shows a single-ended version. For

programmability of equalization gain, the current attenuators A1 and A2 are used

which are controlled using VB. The equalizer section is elaborated in Fig. 5.78d.

The real pole of the first section is pushed to high frequency using the negative

capacitor �Cn. The realized fifth-order filter transfer function is given as

HðsÞ ¼

� ðs C1 þGm2Þðs C2 þGm4Þ
s2 L1C1 þs C1

Gm1
þ 1

� �
s2 C2L2 þs C2

Gm2
þ 1

� �
ð1þ sðC3 �CnÞR1Þð1þ s C4 R2Þ

ð5:46Þ

Note that for balanced implementation, the capacitor C is shared by both arms.

Frequency tuning can be performed by varactors using the voltage Vtune. The

attenuators A1 and A2 are realized using a Gilbert cell formed by transistors Mg

(see Fig. 5.78d). The current sources IB are controlled by a CMFB loop shown in

Fig. 5.78g. ACMFB bandwidth of 2.2 GHz is realized. The commonmode voltage is

sensed by R2 and C4. Note that additional common mode load resistance is also used

to realize a low-frequency pole-zero pair. The error amplifier shown in Fig. 5.78h

features high gain and the resistors R5 and capacitorC5 introduce a zero to cancel the

pole of the split frequency current source formed byM15 andM
0
15. Note that the dc

transconductance of the current source is decided by M15 and M0
15 whereas

high-frequency behavior is decided byM15 alone. Combination of two paths through

M15 andM
0
15 results in a pole zero pair in the transconductance of IB2.

Fig. 5.77 (continued)
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Fig. 5.78 (a) Series resonator prototype, (b) transistor implementation of (a), (c) series resonator

LC-based equalizer section, (d) schematic of single-ended fifth-order Butterworth filter based on

(c), (e) fully differential implementation of (c), (f) negative capacitance emulation circuit, (g)

CMFB loop, and (h) error amplifier and split frequency current source (Adapted from [5.69]

#IEEE 2007)
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The differential pair M2 realizes the low-pass path that is ac coupled to the

resonator (see Fig. 5.78d). The ac coupling network is formed by CAC and PD

(pull-down resistor circuit; see inset of Fig. 5.78d) to realize a cutoff frequency of

<100 KHz. The negative capacitance circuit is presented in Fig. 5.78f. The input

admittance of this circuit can be found approximately as � s Cn Gm5

Cn þGm5
which will

behave like a negative capacitance for frequencies less than ocn ¼ Gm5

Cn
.

Fig. 5.78 (continued)
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5.17 Evaluation of CT Filters

CT filters can be compared using a figure of merit (FOM) [5.21, 5.70] defined as

FOM ¼ PC =N

f c ðSFDR:N4=3Þ (5.47)

where Pc is the power consumption of the filter, N is the number of poles and zeroes,

fc is the cutoff frequency, and SFDR.N4/3 is the normalized spurious-free dynamic

range with SFDR defined as

SFDR ¼ IIP3

PN

� �2=3

(5.48a)

where PN is the input referred noise power. In the case of SFDR in decibels, which

is not given by the respective authors, it can be derived from IIP3 and noise data

using the formula

SFDRdB ¼ 2

3
IIP3;dbV �PNoise;dbV

� �
(5.48b)

where Pnoise is RMS noise. The two-tone SFDR is the ratio of the input power to the

power of the intermodulation products when the latter is equal to the noise power of

the filter.

Note that some authors [5.7] have included area as well in the numerator of FOM

expression in (5.47).

In Table 5.7 a comparison of several continuous-time filters [5.7, 5.9, 5.19, 5.21,

5.22, 5.25, 5.70, 5.71] and [5.72] is presented together with the intended application

and various other aspects including FOM.

5.18 Problems

P.5.1. Derive the transfer function of the biquadratic cell of Fig. 5.23b taking into

account gds of all the transistors and evaluate the sensitivity of pole-Q, gain,
and pole-frequency to these nonidealities [5.22].

P.5.2. Derive the small signal equivalent circuit of the biquad of Fig. 5.22b

considering the half circuit. Derive expressions for pole-frequency, pole-

Q, and gain [5.21].

P.5.3. Compare using SPICE the two Gm-C filter configurations to show that the

input voltage of the circuit of Fig. 5.51b is smaller than that of Fig. 5.51a

[5.45].
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P.5.4. Derive the transfer function of the seventh-order filter of Fig. 5.37c. Dem-

onstrate ways of removing the floating capacitance. Analyze the effect of

parasitic capacitances of the floating and grounded capacitors and output

resistances of the OTAs [5.36].

P.5.5. Discuss the stability of the fourth-order Gm-C filters of Fig. 5.50a, b [5.44].

P.5.6. Derive the transfer function of the lossy ladder filter of Fig. 5.21b, c.

Analyze the effect of parasitic capacitances. Find the effective Q-factors
of each stage [5.20].

P.5.7. Derive the transfer function of the current-mode biquad cell of Fig. 5.77b.

Evaluate the noise at the output due to noise sources of M1, M2 and bias

current sources [5.68].

P.5.8. Derive the transfer functions of the single- and double-inductor notch filters

of Fig. 5.76c, e. Discuss techniques for optimization to reduce power

consumption in the presence of losses, using the negative resistance RN

[5.67].

P.5.9. Derive expressions for the noise of LPF and BPF outputs for the circuit

of Fig. P.6.9 in terms of the input referred noise Vgm2. Derive similar

expressions for the Gm-C biquad equalizer of Fig. 5.78c. Derive

expressions for power dissipation for both cases [5.69].

P.5.10. Consider the opamp-based lossy integrator. Taking into account the finite

bandwidth of the amplifier, realize an equivalent circuit using an ideal

opamp and discuss techniques for compensation of the effect of finite

bandwidth [5.9].

P.5.11. Evaluate the dominant pole-frequency for various PRAs of Fig. 5.7a, b

considering the effect of distributed capacitance and its variation with the

code word used [5.9].

P.5.12. Evaluate the input resistances of the current amplifiers of Fig. P.5.12a, b in

terms of various Gmi values [5.5].

P.5.13. Derive the transfer function of the current mode Sallen–Key filter of

Fig. 5.4c taking into account the nonzero input resistance of the current

amplifier [5.5].

P.5.14. Study the effect of mismatch between the two halves in the complex

bandpass filter of Fig. 5.3c [5.4].

Fig. P.5.12
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P.5.15. Analyze the Sallen–Key filter noise using a unity gain amplifier and noise

of the FDNR-based filter of Fig. 5.14b. Evaluate the results [5.15].

P.5.16. Evaluate the integrated inband noise of the third-order Sallen–Key

Butterworth filter, third-order leap-frog ladder filter, third-order multiple

feedback filter first-order RC passive filter followed by Tow-Thomas

biquad in terms of the capacitance. Consider only the noise contribution

of resistors [5.15].

P.5.17. Derive the transfer function of the instrumentation topology of the ADFNR

circuit shown in Fig. 5.14c. Derive the noise shaping property and compare

that with the FDNR-based circuit of Fig. 5.14b [5.15].

P.5.18. Analyze the effect of parasitic resistance across the capacitor in the active-

Gm-RC filter of Fig. 5.25a. Analyze the effect of the second pole of the

amplifier [5.24].

P.5.19. Derive expressions for quantization errors in the four types of arrays shown

in Fig. 5.1. Consider the fixed component as Cmin or Rmin and consider dR
or dC as the step size. The variation desired is 50% of the nominal value.

Consider an n-bit programmable array [5.1].

P.5.20. Derive the various transfer functions of the three HPF structures of

Fig. 5.11c and obtain the design equations for various resistors. Evaluate

the noise performance of the three structures [5.12].

P.5.21. Evaluate the error of the resistor array of Fig. 5.5d [5.7].

P.5.22. Evaluate the input impedance of the negative capacitance block of

Fig. 5.78f [5.69].

P.5.23. Analyze the effect of input capacitance of the OTA on the OTA-C filter of

Fig. 5.52a [5.46].

P.5.24. Derive the transfer function of a second-order band-pass filter realized

using floating gate MOS device MD. This technique (shown in

Fig. P.5.24) is known as C4 (capacitively coupled current conveyor) since

the input signal is capacitively coupled [5.73].

P.5.25. Derive the transfer function of the OTA-C filter using a nonlinear transcon-

ductance GL shown in Fig. P.5.25. This will be useful for realizing an

Fig. P.5.24
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adaptive Q in hearing aids. Note that the Q reduces with increasing input

amplitude [5.74].

P.5.26. Evaluate the effective Q of the integrator realized using Nauta’s OTA (see

Fig. 5.65a) considering NQS (nonquasi-static) phenomena in the

transistors. Under this condition, the Gm, gds, and Cgs are affected by the

time constants t1 and t2 as follows:

gm ! gm
1þ st1

; gds !
gds

1þ st2
;Cgs ! Cgs ð1þ s t2Þ

1þ s t1

P.5.27. Analyze the error amplifier of Fig. 5.41d in the CMFB loop. Evaluate its

zeroes and poles and determine the bandwidth of the CMFB loop [5.41].

P.5.28. Analyze the effect of frequency-dependent Gm on the OTA-C filter of

Fig. P.5.28. Determine the phase of the low-pass response and frequency

at which phase is �45� and �135�. Discuss the choice of N to enable

precise tuning of pole frequency and pole Q in the presence of nonideal Gm

[5.57].

P.5.29. Determine the improvement in the third-order intermodulation distortion in

the differential amplifier with linearity enhancement shown in Fig. 5.59a.

Consider that vres is a odd function of vin given as vres ¼ C1 vin þC2 v3in
[5.51].

Fig. P.5.25

Fig. P.5.28
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P.5.30. Derive the transfer function of the single opamp resonator of Fig. 5.75a.

Discuss its utility as a general biquad [5.66].

P.5.31. Derive an expression for IM3 for the first-order nonlinear circuit of

Fig. P.5.31 assuming that the closed-loop output voltage can be expressed as

vo ¼ b1 vin þ b3 v3in

P.5.32. Considering a two-pole model for the opamp, determine the condition for

stability of Tow-Thomas active RC biquad in terms of oo

B and oo

o2
. This can

be estimated using “minimum acceptable phase margin” for the opamp

defined as

PM ¼ 90 � � tan�1 B

o2
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Appendix A

The peak magnitude of a second-order transfer function is of importance in the

scaling of the internal node voltage in a biquad realized using several active devices

such as opamps or operational transconductance amplifiers. Closed-form solutions

in terms of the coefficients of the numerator and denominator of the second-order

transfer function will be beneficial in computer-aided design programs. Table A.1

gives these in the case of both analog and digital transfer functions.

The second-order digital transfer function considered is

HðzÞ ¼ p z2 �qzþ r

z2 �uzþ v
(A.1)

Using bilinear transformation and considering without loss of generality T ¼ 2 s,

we have

HðsÞ ¼
pþ qþ r

1þ uþ v

� �
s2 þ s

2ðp� rÞ
1þ uþ v

þ p� qþ r

1þ uþ v

s2 þ s
2ð1� vÞ
1þ uþ v

þ 1� uþ v

1þ uþ v

(A.2)

or

HðsÞ ¼ a s2 þ bsþ c

s2 þ dsþ e
(A.3)

The peak or valley of (A.3) can be found by equating the squared magnitude

HðjoÞj j2 with K2. The resulting quadratic equation in o2 will have equal roots in

the case where the solution corresponds to a peak or valley. This yields the

relationship:

K4 ðd4 �4e d2Þ þ K2 ð4 b2 e� 8ace� 2 b2 d2 þ4ac d2 þ4 c2 þ4 a2 e2Þ þ ðb4 �4 b2 acÞ ¼ 0

(A.4)
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The quadratic equation in K2 can be solved to obtain the peak and/or valley

values of K. For special cases such as a band-pass transfer function, for example,

a ¼ c ¼ 0, simple cases, the expression will be much simpler. Since the design of

digital filters based on a bilinear s ! z transformation starts with an analog prototype

transfer function, (A.4) can be used directly to obtain K in terms of a, b, c, d, and e.

In other cases, formulae in Table A.1 will be useful. Note that we have defined

x ¼ d4 �4e d2; y ¼ 4 b2 e� 8ace� 2 b2 d2 þ4ac d2 þ4 c2 þ4 a2 e2; z ¼ b4 �4 b2 ac

in entry 6 in Table A.1.

Note also that from (A.1) directly, the peak or valley value can be found without

using bilinear transformation. In this approach, z ¼ ejoT is substituted to obtain first
the relationship

K2 ¼ ao cos2 oT � bo cosoT þ co
cos2 oT � do cosoT þ eo

(A.5)

where ao ¼ pr
v ; bo ¼ ðpþrÞq

2v ; co ¼ ðp�rÞ2 þ q2

4v ; do ¼ ð1þvÞu
2v ; eo ¼ ð1�vÞ2 þ u2

4v .

From (A.5), the peak or valley can be found by following a similar approach as

described in the case of (A.3), from the equation

K4 ðd2o �4 eoÞ þ K2 ð4 co þ4 ao eo �2 bo doÞ þ ðb2o �4 ao coÞ ¼ 0 (A.6)

Laakso has pointed out that in both approaches described above, K is real. In the

case where K is not real, the value of the transfer function at dc and infinite

frequencies needs to be found and the higher among them is the maximum

Table A.1 (Adapted from [A.1] # IEEE 1983)

Type of transfer function Magnitude of the peak

1 Band-pass (bilinear) p� r

1� va ¼ c ¼ 0

2 Low-pass (bilinear)
ðp� qþ rÞð1þ uþ vÞ
2ð1� vÞ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4v� u2

p
a ¼ b ¼ 0

3 High-pass (bilinear)
ðpþ qþ rÞð1� uþ vÞ
2ð1� vÞ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4v� u2

p
b ¼ c ¼ 0

4 Notch b ¼ 0
2

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
ac d2 þ c2 þ a2 e2 �2ace

p
d

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
4e� d2

p

5 All-pass u ¼ q
r and v ¼ p

r r

6 General biquadratic function
�yþ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
y2 �4xz

p
2x
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magnitude. These are from (A.5) (at cos(oT) ¼ 1 and cos(oT) ¼ �1),

respectively,

K2 ¼ ao � bo þ co
1� do þ eo

and K2 ¼ ao þ bo þ co
1þ do þ eo
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Appendix B

The realized transfer function is affected by the nonideal passive and active

components. The variation in the transfer function due to variations in pole-

frequency and pole-Q can first be evaluated. These yield topology-independent

expressions or curves. The variation in pole-frequency and pole-Q due to the active

and passive components in the chosen topology is topology-dependent and can be

estimated easily. Substituting the latter in the former expressions gives the total

variation in the transfer function. Considering H(s) as the desired biquadratic

transfer function

HðsÞ ¼ 1

DðsÞ ¼
1

s2 þ s
op

Qp
þ o2

p

(B.1)

we can obtain

S HðjwÞj j
op

¼ �
2 1� g2ð Þ þ g2

Q2
p

1� g2ð Þ2 þ g2

Q2
p

0
@

1
A (B.2)

and

S
HðjwÞj j
Qp

¼
g2

Q2
p

1� g2ð Þ2 þ g2

Q2
p

0
@

1
A (B.3)

where g ¼ o
op

. It can be seen from (B.2) and (B.3) that both sensitivities are

functions of g and hence universal curves as functions of g are of interest. These

are presented in Fig. B.1a, b [B.1]. It may be noted that S HðjwÞj j
op

reaches a maximum

of about Qp at the 3-dB frequencies g ¼ 1� 1
2Qp

whereas the maximum value of

S
HðjwÞj j
Qp

is unity. The ratio of S HðjwÞj j
op

to S
HðjwÞj j
Qp

is
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Fig. B.1 Universal curves showing sensitivity of transfer function to pole-frequency (a) and pole-
Q (b) with pole-Q as a parameter (Adapted from [B.1] # IEEE 1973)
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S HðjwÞj j
op

S
HðjwÞj j
Qp

¼ � 1þ 2Q2
p

1

g2
� 1

� �� �
(B.4)

At the 3-dB frequencies, this ratio is 2Qp. This is an important result showing

that the magnitude of sensitivities to pole-frequency must be kept less than 2Qp

times the magnitude of sensitivities to pole-Q.

It can next be observed that the percentage variation in the transfer function can

be expressed as

D Hj j
Hj j ¼ S Hj j

op
:
Dop

op
þ S

Hj j
Qp

:
DQp

Qp

(B.5)

We next note that

Dop

op
¼

Xk
i¼1

S
op

Ci
:
DCi

Ci
þ
Xl

i¼1

S
op

Ri
:
DRi

Ri
(B.6)

considering that the filter needs k capacitors and l resistors. Note that the active

devices also need to be included in the above expressions since we have earlier

described the evaluation of pole-Q and pole-frequency sensitivities to opamp finite

gain and finite bandwidth.
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Index

A

Active filters using amplifier pole

effect of bandwidth on active RC, 81

using one capacitor, 76–81

using resistors differentiator, 76, 77

Active-Gm-RC filters, 81, 496

Active RC filters

active compensation of

using composite amplifiers, 34, 35

using NIC, 20, 21

distortion in, 118, 122–126

effect of opamp bandwidth on, 6

noise analysis of, 112–122

passive compensation of, 26, 34

using a single fully differential

amplifier, 53–55

Active RC filters for wireless applications

ADSL, 462–465

Bluetooth, 443, 444, 446, 450

PDC, 456, 460

software radio, 465

UWB, 447, 448

WCDMA, 456

WLAN/UMTS receivers, 450

Zigbee, 443, 446

Active RC ladder filters based on

component simulation, 5, 89–91,

198–201

Active R filters, 6

All-pass filters, first order

current mode, 153, 235, 236

SC, 258

using opamps, 30, 126

using OTAs, 152, 153,

189–197, 236

Alternating divide and conquer

technique, 471

Analysis of SC filters

SPICE based, 371–373

using Laker’s Z-domain equivalents,

254–257

Analytical synthesis technique, 220

B

Bandpass sigma-delta modulators, 319,

411–424

Biased-inverting opamp configuration,

361–365

Bilinear SC integrators, 283, 316, 317

C

CBSC. See Comparator based SC circuits

(CBSC)

Charge injection in SC filters, 326, 348, 349,

353, 354, 381–382

Clock boosting, 355

Clock feedthrough in SC filters, 268, 307, 311,

313, 325, 355, 387

Comparator based SC circuits (CBSC),

578–583

Complementary transformation, 424

Complex filters, 445, 501, 510, 511, 514, 573

Composite amplifier, 16, 36

Correlated Double-sampling, 366

CT sigma-delta modulators, 383, 590

Current conveyor, 2, 10, 134, 137, 139, 141,

532, 536, 602

Current feedback operational amplifier, 10

Current input current output filters, 129, 134,

152, 518

Current-mode filter derived from ladder filters,

209–216
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D

Deliyannis bandpass filter, 42

Distortion in

active RC filters, 118, 122–126

cancellation technique in OTA-C filters,

530, 533

OTA-C filters, 235, 237–239

SC filters, 346–349

Dynamic biasing, 456, 471

Dynamic impedance scaling, 465, 471, 473

E

Evaluation of CT filters, 599–600

F

Field programmable analog array, 556, 560

Figure of merit (FOM), 123, 423, 590, 599

FIR filters, 309, 331–337

Fleischer–Laker biquad

E-type, 275

F-type, 267, 275, 283

FLF. See Follow-the-leader feedback (FLF)

Foldover noise, 8, 367, 368, 371

Follow-the-leader feedback (FLF), 106–111

FOM. See Figure of merit (FOM)

Four terminal floating nullor (FTFN), 140

Frequency dependent negative resistance

(FDNR), 91–93, 199, 201,

466, 468, 469

using Active RC technique, 466–478

using OTA-C technique, 198, 199

Friend’s active RC biquad

Friend’s low-pass filter, 137

Steffen all-pass SAB, 130

G

Gain sensitivity product (GSP), 45

GIC based biquads, 55–58

Gm-assisted filters, 476

Gm-C filters, 1, 8, 148, 447, 448, 478–578

Gm-Opamp integrator, 149

GSP, Gain sensitivity product (GSP)

I

IFLF. See Inverse follow-the-leader feedback
(IFLF)

Inductance realization

floating, 91, 92

grounded, 89, 92

using opamp and RC, 91, 92

using OTA and C, 171, 178, 180, 182,

184, 291, 481

using SC, 92, 290, 429

Inductance simulation using amplifier pole

Integrated resistors and capacitors, 439–440

Integrators

active RC, 9, 252

Akerberg–Mossberg integrator, 22, 24, 96

Deboo’s integrator, 24

differential integrator, 27, 73, 149, 290, 382

OTA-C, 148–149

Q-factor of, 24

SC, 253, 255, 278, 331, 337–346, 351, 359,

374, 375, 583

Inverse follow-the-leader feedback (IFLF),

107, 110, 111

K

KHN biquad

active RC, 172, 233, 234

current-mode, 59–63, 68–74, 234

L

Ladder filters based on

component simulation, 89–91, 287–298

operational simulation, 89, 93–100,

287–298

LC filters for UWB receivers

linear transformation type OTA-C filters,

202–208

lossless discrete integration (LDI), 257

Lossy inductance simulation, 47

Low-pass filters

active RC, 27–41

Gm-C, 539, 543

SC, 291–296, 307, 357, 359

Low-voltage design techniques, 349–365

M

Minimum sensitivity feedback (MSF), 107,

110–111

MOSFET_C technique, 505, 510

MSF. See Minimum sensitivity feedback

(MSF)

Multi-loop feedback type active filters

follow-the-leader feedback

(FLF), 106–111

inverse follow-the-leader feedback (IFLF),

107, 110, 111
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minimum sensitivity feedback (MSF),

110–111

primary resonator block, 108–109

shifted companion form (SCF), 109–110

Multiple-feedback filters

active RC, 42–55, 69, 72, 113, 131

OTA-C, 216–219

SC,

Multiplexed SC biquads, 270, 272

N

Nauta’s transconductor, 568, 569

Negative resistance using opamp, 4, 19,

24, 53, 56, 71, 72, 91, 559, 562,

564, 592, 601

Nodal voltage simulation, 58, 60, 69–73, 102,

232, 246

Noise analysis of

active-RC filters, 600

OTA-C filters, 147–246, 251, 287–288,

383, 533, 559, 561

SC filters, 1, 6–8, 73, 95, 254–257, 261,

268–272, 276–278, 287, 298–326,

330, 331, 346–349, 351–354,

361–365, 378–381, 424, 426, 439,

578–583

N-path filters, 306–325, 334

double-sampling type, 8,

322–325, 366

O

Offset and gain compensation in SC filters, 8,

337–343, 346

Operational simulation

band-pass filters, 99–100, 291–296, 307,

316, 324, 327, 330, 567–568

of general parameter ladder filters, 104–106

high-pass filters, 91, 206

low-pass elliptic filters, 95

using Yoshihoro technique, 102, 105

Operational simulation based active RC

bandpass filters, 283, 293, 302, 321, 420,

461, 539, 601

high-pass filters, 100–104, 296–298

low-pass elliptic filters, 95

low-pass filters, 27–29, 199, 210, 215,

327, 328, 330, 445, 452, 485,

502, 515

Oscillators, 10, 227–231, 235, 245

OTA-C, 3, 8, 147–246, 251, 287–288, 383,

533, 559

OTA-C filters

current-mode filters, 10, 152, 209–212

differentiator, 76, 77, 80, 150, 151, 235,

236, 258, 260

first-order filters, 27–29, 152–154

high-order filters based on component

simulation, 197–216

integrators, 148–149

simulation of Ladder filters,

291–296, 485

table based substitution, 202

tuning of, 6, 61, 446, 450, 482, 514, 533,

559, 603

two-integrator loop OTA-C filters, 63, 81,

82, 100, 154, 155, 164, 168,

169, 172, 175, 184, 236, 262,

329, 378, 379, 402, 477, 493,

519, 533

voltage-mode filters, 134

OTA non-idealities, 206, 223–227

pole-zero model, 127, 147, 596

P

Parasitic compensated SC biquad, 268–270

Passive compensation, 6, 15, 16, 26, 34, 227

Power dissipation of SC filters, 350, 404–405

Precision opamp gain technique, 6, 304–306

Pseudo-N-path filters

based on circulating delay line, 311–313

based on RAM, 312–316

hybrid type, 314, 315

P-transformation, 424, 428

R

Realization of R, L, C using SC, 288–291,

296, 316

Reset-opamp technique, 359–361

Resistor simulation using OTA, 197–201

grounded and floating, 523

S

Sallen–Key filter

effect of finite bandwidth, 33–35

effect of finite gain, 32–33

SC

amplifiers, 258, 342–346

bilinear, 283, 316, 317

biquads, 262–270, 272–287, 379, 428

capacitor spread evaluation, 265–267

delay, 335, 338, 416, 418
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SC (cont.)
integrators, 252, 255, 256, 261, 278, 303,

305, 306, 325, 330, 331, 337–346,

349, 351, 352, 354, 359, 360, 366,

368, 375, 377, 379, 404, 405, 408,

424, 426, 583, 584

LDI type, 257, 289–291, 326, 429

N-path filters, 306–325

resistor, 292

sensitivity of, 265, 267

Scaling for optimal dynamic range, 67–68, 104

SCF. See Shifted companion form (SCF)

SC filters

distortion in, 346–349

effect of finite gain, 409, 410

effect of opamp bandwidth, 374–381

effect of OTA bandwidth, 350, 378–381

offset and gain compensation, 8

using comparators, 578–583

Sensitivity analysis of

active RC filters, 5, 88

SC filters

Shifted companion form (SCF), 107, 109–110

Sigma delta modulators

cascaded sigma-delta modulators, 391

fourth-order, 391, 392, 396–398, 416,

420, 422

high-order, 386, 389–403

comparator hysterisis, 411

continuous-time, 383

effect of bandwidth and slew rate,

407–408, 413

effect of capacitor mismatch, 410, 427

effect of finite gain, 409, 410

effect of jitter, 403–404

effect of noise, 405–407

multi-rate cascaded modulators, 588, 589

resonator based sigma delta modulator,

415–419, 420–421

second order, 385–390, 392, 398, 411, 588

multistage noise shaping, 389

reduced integrator swing range

topology, 392

using inverters, 584, 589

Single-path frequency translation, 308–310

Slew-limited error, 347, 348

Split-integrating capacitor’s T-cell integrator,

273–276, 278–279

Switch bootstrapping, 350, 355–359

Switched-opamp technique, 351–354

T

Table-based substitution of OTA-C filters, 202

Tarmy–Ghausi–Moschytz biquad, 74–76

Terminations in SC ladder filters, 288

Tow–Thomas biquad, 62–69, 95, 100, 103,

127, 129, 134, 445, 506, 602

variants of Tow–Thomas biquad, 68–74

Tuning of Gm-C filters, 447

Two-amplifier active RC biquads, 132

U

Universal filters, OTA-C, 170, 171

derived from digital filters, 195

derived from Tarmy–Ghausi configuration,

189–195

Z

Z-zN transformation, 311, 317, 319, 320, 429
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