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Preface

Sigma-Delta modulators (��Ms) have become one of the best choices for the implemen-
tation of analog/digital interfaces integrated in CMOS technologies. Compared to other
kinds of analog-to-digital converters (ADCs), ��Ms cover the widest conversion region
of the resolution-versus-bandwidth plane, being the most efficient solution to digitize very
diverse types of signals in an increasing number of application scenarios, which span from
high-resolution low-bandwidth data conversion (like digital audio, sensor interfaces, and
instrumentation) to ultra-low power biomedical systems and medium-resolution broad-
band wireless communications. This versatility, together with their robustness and their
simplicity in many practical situations, has motivated that more and more engineers today
consider ��Ms as a first choice for their research projects and their industrial products.

The first idea underlying the operation of ��Ms was patented by Cutler in 1960 [1],
although its application to the construction of data converters was first reported in the
published literature by Inose et al in 1962 [2]. The operation of ��Ms is relatively simple
to describe, although sometimes difficult to analyze. Essentially, the fundamental principle
behind ��Ms is based on the combination of two signal processing techniques, namely
oversampling and quantization noise shaping. The former consists of taking the signal
samples at a higher rate than the one dictated by the Nyquist sampling theorem. These
samples are commonly quantized with a large error by using a low-resolution quantizer.
The resulting oversampled quantization error is filtered in the modulator feedback loop,
so that its frequency spectrum is shaped in such a way that a large portion of its power
is pushed out of the signal band, where it is removed by a digital filter. The outcome of
the combined action of oversampling and noise shaping allows ��Ms to achieve a high-
precision digitization by using a low-resolution coarse quantizer. Therefore, unlike other
kinds of ADC architectures that require high-precision analog circuits, ��Ms trade the
accuracy of their analog circuitry by the speed of digital signal processing, thus achieving
a higher degree of insensitivity to circuit error mechanisms and potentially benefiting
from CMOS technology evolution towards the nanometer scale.

Prompted by the mentioned benefits and fueled by technology downscaling and industry
trends in consumer digital electronics, the original concept of noise shaping described
above has evolved over the last five decades through many ��M generations, giving
rise to a pleiad of architectures, circuit and system design techniques, and a number
of Integrated Circuits (ICs), which have pushed the state-of-the-art on ��Ms forward,
yielding to innovative research results and successful industry products. All these advances
and research works have lead (and continue doing so) to a vast amount of technical
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literature. Indeed, since the publication of pioneer works like the widely cited papers
written by Candy [3, 4] and Boser and Wooley [5], the number of publications has
increased significantly including hundreds of patents, thousands of research papers, some
tutorial papers [6–8], as well as tens of introductory and specialized monographs [9–29].
However, with so much material and abundance of technical information published, many
designers—particularly novel designers and also some experienced designers focused on
a specific subtopic of ��Ms—may become disoriented and lost. This has motivated
some authors to put all these pieces of information together in a comprehensive and
systematic way.

Apart from the earlier books aiming to catalogue the existing publications on ��Ms
[9], one of the first attempts to present a guide for ��M designers is the book edited by
Norsworthy et al in 1997 [10], also known as “the yellow book” by the ��M community.
This book deals with a number of important subjects in ��Ms and it was contributed by
a number of experts in the field, thus making it more difficult to present its contents in
a coherent and consistent way. With this objective in mind, some authors have put their
effort on writing tutorial monographs dealing with the systematic design of ��Ms.

Among others, the book written by Schreier and Temes, published in 2005 [21], often
named “the green book”, has become one of the most popular books on �� converters.
This book provides an excellent and comprehensive treatment of ��Ms, their operat-
ing principles, and main architectures, presenting several design examples constructed
using the well-known Schreier’s MATLAB toolbox [30]. Although some examples of
continuous-time (CT) circuit implementations are given, the book mainly focuses on
system-level description, considering a switched-capacitor (SC) implementation. Some
other remarkable examples are the book written by Medeiro et al in 1999 [13]—focused
on the systematic design of SC ��Ms—and the book of Ortmanns and Gerfers [22]
published in 2006, which is still one of the most complete monographs on CT ��Ms
reported to date. All these books, as well as other monographs reported in the technical
literature, give a partial view of ��Ms, paying more attention to some particular aspects
of the design of ��Ms, and/or a type of architecture, circuit technique, or application.

In this scenario, this book attempts to cover some of these knowledge gaps, by providing
a broader and systematic description of the universe of ��Ms, their diverse types of
architectures, circuit techniques, analysis and synthesis methods and CAD tools, as well
as their practical design considerations. From this perspective, the book has a twofold
purpose. First, it constitutes a unique monograph that results from compiling the enormous
number of technical and research works reported to date on the topic of ��Ms, and
presents the results of such a compilation in a didactical, pedagogical, and intuitive style.
The second main objective and a key feature of this book is to serve as a practical guide
for designers, putting emphasis on explaining practical design issues involved in the whole
design flow of ��Ms: from specifications to chip implementation and characterization.
To this end, a top-down approach is followed, presenting the contents in a hierarchical
way; that is, going from theoretical fundamentals, system-level design equations, and
behavioral models to circuit, transistor-level, and physical implementation, in order to
provide readers the necessary understanding and insight into the recent advances, trends,
and challenges involved in the design of state-of-the-art ICs.

Indeed, it is the top-down approach adopted in this book that inspires the hierarchical
way in which the contents are organized. Thus, following this introduction, Chapter 1
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begins from top, giving an introductory survey of ��Ms, their principles of operation,
fundamental architectures, analysis and synthesis methods, as well as a taxonomical
description of the diverse variety of practical ��M topologies, the nature of signal
(low-pass and band-pass), as well as the dynamics involved (either discrete-time or
continuous-time). In this chapter ��Ms are considered ideal systems, except for their
inherent quantization error. Chapter 2 descends one level in the modulator hierarchy to
analyze the effect of main circuit error mechanisms as well as architectural and timing
nonidealities, considered in both SC and CT circuit implementations. The mathematical
models, analytical procedures, and design guidelines described in this chapter provide suf-
ficient understanding of the main practical problems affecting the performance of ��Ms
in practice.

The knowledge derived from the first two chapters is presented in this book as an
essential part of the systematic top-down/bottom-up synthesis methodology of ��Ms,
that is described in Chapter 3. This chapter analyzes different strategies for the high-level
modeling and simulation of ��Ms, focusing on the so-called behavioral modeling and
simulation techniques. A step-by-step procedure to develop efficient behavioral models
in the MATLAB/SIMULINK environment is described and illustrated with a number of
examples of the main ��M building-block models. As an application, a time-domain
behavioral simulator named SIMSIDES, is described and applied to the high-level sizing
and verification of some case studies. The contents of this chapter are extended and
complemented in Appendixes A and B. Appendix A gives a more complete user guide of
SIMSIDES and Appendix B provides an overview of all behavioral models and libraries
included in this simulator.

Chapter 4 moves farther down from the system-level description given in previous
chapters to the circuit and physical level. This chapter provides a number of necessary
design recommendations and practical recipes to complete the design flow of a ��M,
showing the step-by-step methodology to transform a behavioral-model description given
in Chapter 3 into an electrical schematic initially based on macromodels, and then imple-
mented with transistors, and finally concluding the design cycle with the layout and
chip implementation. Plenty of examples, case studies, and simulation test benches are
given to illustrate the practical issues and design considerations addressed in the chapter,
that cover from electrical analysis and simulation using SPICE-like simulators to layout
design considerations, chip prototyping, and experimental measurements of ��Ms in the
laboratory.

To conclude the book, Chapter 5 gives an overview of the state-of-the-art ��M ICs,
comparing their performance with Nyquist-rate ADCs. Overall, more than 300 state-of-
the-art IC references have been studied in detail and considered in this review, including
papers published from 1990 to June 2012. Therefore, following the practical philosophy
that inspires this book, the diverse families of state-of-the-art ��M architectures and cir-
cuit techniques are exhaustively analyzed and compared to extract practical and empirical
design guidelines from the statistical data, trying to identify the incoming trends, design
challenges, as well as the solutions proposed by cutting-edge ICs that are in the frontiers
of ��Ms.

The book contents are addressed and structured for a large audience: from senior design-
ers who want to acquire a deeper and updated insight into ��Ms, to nonexperienced
undergraduate students who are looking for a comprehensive, uniform, and self-contained
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reference into this hot topic. Bearing this in mind, the style and main purpose of the book
is to serve also as an educational and reference textbook for undergraduate and graduate
students. Indeed, the book is based on a number of graduate courses given by the authors,
including master and doctorate degree programs, invited lectures, and IEEE conference
tutorials. All these materials have been adapted and updated so that a large portion of the
book can be also used (and indeed it has been used) in both undergraduate and graduate
courses.

However, in spite of the encyclopedic nature of the book, it is impossible to give an
exhaustive description of all the topics contained in the thousands of publications dealing
with ��Ms. Instead, the book tries to cover the main subtopics, providing sufficient
insight to understand the other ones, that are just overviewed and sometimes even omitted.
In order to try to palliate these unavoidable deficiencies, an exhaustive list of specific
references is included at the end of each chapter. Overall, the book contains around 500
selected references in order to guide readers to increase their understanding of the diverse
research topics dealing with the �� world.

The huge amount of information contained in the book is complemented and updated
with a number of electronic resources, that have been prepared by the authors and are
freely available on the Web. To this purpose, all the data analyzed in the state-of-the-art
survey presented in Chapter 5 have been collected in a spreadsheet, which is available
at http://www.imse-cnm.csic.es/∼jrosa/CMOS-SDMs-Survey-IMSE-JMdelaRosa.xlsx.
This database is periodically kept up to date and aims to be a complement to the
popular Murmann’s ADC survey data collection [31]. In addition, a fully functional
version of the time-domain behavioral simulator SIMSIDES is freely available on
demand at http://www.imse-cnm.csic.es/simsides. The simulator includes a number of
examples, containing the case studies presented in the book and many more examples
and demos. Apart from the SIMSIDES software, the majority of examples and test
benches of different CAD tools used throughout the book are also available on the Web
at www.wiley.com/go/delarosa_converters.

Last but not least, it is important to mention that the aforementioned web sites will be
regularly updated with new pieces of information and updated material related to the state-
of-the-art ��M ICs, SIMSIDES examples and demos, as well as new inputs provided
by us and hopefully by our readers. Therefore, your feedback is very important and very
welcomed!

We hope that you enjoy reading this book as much as we have enjoyed writing it.

José M. de la Rosa and Rocı́o del Rı́o
Sevilla, October 2012
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1
Introduction to �� Modulators:
Basic Concepts and Fundamentals
This chapter is conceived as an introduction to �� analog-to-digital converters (ADCs).
Their operation principle consists in combining oversampling, quantization error process-
ing, and negative feedback for improving the effective resolution of a coarse quantizer.
These basic concepts are presented in Section 1.1 and their effects on the performance of
�� converters are compared with Nyquist-rate converters. Section 1.2 shows the basic
architecture, ideal behavior, and performance metrics of �� converters, and sketches the
architectural alternatives to enhance their resolution.

Before presenting practical topologies for the implementation of �� modulation, the
large variety of the existing �� realizations is briefly classified in Section 1.3 according
to the type of modulator architecture (single loops or cascades), the circuit techniques
employed (discrete time (DT) or continuous time (CT)), and the nature of the signals being
converted (low pass (LP) or band pass (BP)). Starting from the case of DT, LP, single-bit
�� modulators, the implications of these different alternatives are then presented in an
incremental way.

Section 1.4 is dedicated to single-loop �� architectures. Second- and higher-order
single-loops are considered, taking into account issues related to their practical implemen-
tation and problems not addressed by linear models, such as instabilities. Cascade ��

topologies are covered in Section 1.5. In Section 1.6 the topological study is extended
to �� modulators using multibit embedded quantizers, analyzing their pros and cons.
Techniques to circumvent the disadvantages, such as dynamic element matching (DEM)
or dual quantization, are revised.

The conversion of BP signals is covered in Section 1.7, taking into account its typical
application in digital radio receivers. The basic techniques for synthesizing DT, BP ��

modulators are presented, together with practical aspects for their implementation. Finally,
Section 1.8 addresses the realization of CT �� modulators, discussing their advantages
compared to DT ones and the existing alternatives for the loop filter and the feedback
implementation.

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.



2 CMOS Sigma-Delta Converters

1.1 Basics of A/D Conversion

ADCs are electronic systems that perform the transformation of analog signals—which
are continuous in time and in amplitude—into digital signals—which are discrete in both
time and amplitude. Figure 1.1 illustrates the general block diagram of an ADC intended
for the conversion of LP signals, which essentially consists of an antialiasing filter (AAF),
a sampler, and a quantizer. First, the analog input signal xa(t) of the ADC passes through
the AAF, an LP analog filter than prevents out-of-band components from folding over
the signal bandwidth Bw during the subsequent sampling, what would corrupt the signal
information. The resulting band-limited signal x(t) is sampled at a rate fs by the S/H
circuit, thus yielding a DT signal xs(n) = x(nTs), where Ts = 1/fs. Finally, the values of
xs(n) are quantized using N bits, so that each continuous-valued input sample is mapped
onto the closer discrete-valued level out of the 2N that cover the input range, yielding the
converter digital output yd(n).

As shown in Figure 1.1, the fundamental processes involved in the A/D conversion are
sampling and quantization, whose implications are discussed in the following text.

1.1.1 Sampling

The sampling process performs the continuous-to-discrete transformation of the input
signal in time and imposes a limit on the bandwidth of the analog input signal. According
to the Nyquist theorem, to prevent information loss, x(t) must be sampled at a minimum
rate of fN = 2Bw, often referred to as the Nyquist frequency. On the basis of this criterion,
ADCs in which analog input signal is sampled at the minimum rate (fs = fN) are called
Nyquist-rate ADCs. Conversely, ADCs in which fs > fN are called oversampling ADCs.
How much faster than required the input signal is sampled is expressed in terms of the
oversampling ratio (OSR), defined as

OSR = fs

2Bw
(1.1)

Whether oversampling is used or not in an ADC has a noticeable influence on the
requirements of its AAF. As in Nyquist-rate ADCs the input signal bandwidth Bw coin-
cides with fs/2, aliasing will occur if xa(t) in Figure 1.1 contains frequency components
above fs/2. High-order analog AAFs are thus required to implement sharp transition
bands capable of removing out-of-band components with no significant attenuation of
the signal band, as illustrated in Figure 1.2a for the LP case. Conversely, as fs/2 > Bw
in oversampling ADCs, the replicas of the input signal spectrum that are created by the
sampling process are farther apart than in Nyquist-rate ADCs. As illustrated in Figure 1.2b,

N

xa(t )

Bw

fs

x (t ) xs(n)

N-bit
Antialiasing filter Quantizer

S/H yd(n)

Figure 1.1 General block diagram of an A/D converter. A Nyquist-rate ADC is assumed.
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+fs/2 +fs

Xa(f)

Xa(f)

f

f

−fs

−fs

HAAF(f)

HAAF(f)

(a)

+Bw

(b)

Figure 1.2 Antialiasing filter for (a) Nyquist-rate ADCs and (b) oversampling ADCs.

frequency components of the input signal in the range [Bw, fs − Bw] do not alias within
the signal band, so that the filter transition band can be smoother, what greatly reduces
the order required for the AAF and simplifies its design.

1.1.2 Quantization

The quantization process also introduces a limitation on the performance of an ideal ADC,
because an error is generated while performing the continuous-to-discrete transformation
of the input signal in amplitude, commonly referred to as quantization error. The operation
of quantizers is illustrated in Figure 1.3. As a matter of example, Figure 1.3c depicts
the I/O characteristic of a quantizer with N = 2, although results apply to a generic
N-bit quantizer. Input amplitudes within the full-scale input range [−XFS/2, +XFS/2] are
rounded to 1 out of the 2N different output levels, which are usually encoded into a binary
digital representation. If these levels are equally spaced, the quantizer is said to be uniform
and the separation between adjacent output levels is defined as the quantization step

� = YFS

2N − 1
(1.2)

where YFS stands for the full-scale output range. As XFS and YFS are not necessarily
equal, the quantizer may exhibit a gain different from unity, as indicated in Figure 1.3c
by the slope kq. As shown in Figure 1.3e, the quantizer operation thus inherently
generates a rounding error that is a nonlinear function of the input. Note that, if q(n) is
kept within the range [−XFS/2,+XFS/2], the quantization error e(n) is bounded within
[−�/2, +�/2]. The former input range is known as the nonoverload region of the
quantizer, as opposed to ranges with |q(n)| > �/2, for which the magnitude of e(n)

grows monotonously.
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Δ

Δ

(a) (b)

(c) (d)

(e) (f)

q (n) q (n)

q (n)

q (n)q (n)

q (n) kqkq

y (n)

y(n)

+ YFS/2

+ Δ /2 + Δ /2

− Δ /2
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+ YFS/2

+ XFS/2

+ XFS/2

− YFS/2

− XFS/2

− XFS/2

− YFS/2

y (n)

e(n)
e(n)

y (n)

N-bit

Figure 1.3 Illustration of the quantization process: (a) multibit quantizer block, (b) single-bit
quantizer block, (c) I/O characteristic of a multibit quantizer, (d) I/O characteristic of a single-bit
quantizer, (e) multibit quantization error, and (f) single-bit quantization error.

Figure 1.3 also shows the operation of a single-bit quantizer (N = 1). Note from
Figure 1.3d that, compared to the multibit case, the output of a single-bit quantizer is
determined by the input sign only, regardless of its magnitude. Therefore, the gain kq is
undefined and can be arbitrarily chosen.

1.1.3 Quantization White Noise Model

In practice, an ideal quantizer as that shown in Figure 1.4a is often modeled using the
linear scheme in Figure 1.4b if several assumptions are made on the statistical properties
of the quantization error [1–3]. As already shown in Figure 1.3e, the quantization error
e(n) is systematically determined by the quantizer input signal q(n). Nevertheless, if q(n)

is assumed to change randomly from sample to sample within the range [−�/2,+�/2],
e(n) will also be uncorrelated from sample to sample. Under these requirements, the quan-
tization error can be viewed as a random process with a uniform probability distribution
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Δ
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q(n) y

e
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N-bit

PDF(e) SE(f)
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−Δ /2 +Δ /2

kqy(n)

Figure 1.4 Quantization noise: (a) multibit quantizer block, (b) equivalent linear model with
additive white noise, (c) probability density function (PDF), and (d) power spectral density.

in the range [−�/2, +�/2], as illustrated in Figure 1.4c. The power associated to the
quantization error can thus be computed as

e2 = σ2
e =

+∞∫
−∞

e2PDF(e) de = 1

�

+�/2∫
−�/2

e2 de = �2

12
(1.3)

The former assumption implies that, as illustrated in Figure 1.4d, the power of the quan-
tization error will also be uniformly distributed in the range [−fs/2, +fs/2], yielding

e2 =
+∞∫

−∞
SE(f )df = SE

+fs/2∫
−fs/2

df = �2

12
(1.4)

so that the power spectral density (PSD) of the quantization error in that range is

SE = e2

fs
= �2

12fs
(1.5)

These assumptions are collectively known as the additive white noise approximation of the
quantization error and allow the representation of a quantizer, which is deterministic and
nonlinear, with the random linear model in Figure 1.4b, in which y(n) = kqq(n) + e(n)

with e(n) being a quantization noise.1

On the basis of this approximation of the quantization error to a white noise, the
performance of ideal ADCs can be easily evaluated. For a Nyquist ADC, in which

1 Although the assumptions underlying the additive white noise approximation are hardly met in practice and are
not strictly valid, it is commonly used in ADC design and usually yields good results—the larger the number of
bits in the quantizer, the better. Even though strictly speaking, it is not valid for stand-alone single-bit quantizers,
it is also employed in the design of single-bit �� modulators [4].



6 CMOS Sigma-Delta Converters

−fs/2 +fs/2

+fs/2−fs/2

X ( f )

f
+fs

+fs

−fs

−fs

IBN = Δ2

IBN =
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Figure 1.5 Quantization noise in (a) Nyquist-rate ADCs and (b) oversampling ADCs.

fs = 2Bw, all the quantization noise power falls inside the signal band and passes to
the ADC output as a part of the input signal itself, as illustrated in Figure 1.5a. Con-
versely, if an oversampled signal is quantized, because fs > 2Bw, only a fraction of the
total quantization noise power lies within the signal band, as illustrated in Figure 1.5b. The
in-band noise power (IBN) caused by the quantization process in an ideal oversampling
ADC is thus,

IBN =
+Bw∫

−Bw

SE(f ) df =
+Bw∫

−Bw

�2

12fs
df = �2

12OSR
(1.6)

so that the larger the OSR, the smaller the IBN.2

The dynamic range (DR) of an ideal ADC can be determined as the ratio of the output
power at the frequency of an input sinusoid with maximum amplitude to the in-band
quantization noise power:

DR(dB) = 10log10

(
Psig,out,max

IBN

)
(1.7)

From Figure 1.3c, the maximum input amplitude in the nonoverload region of an N-bit
quantizer is XFS/2 and its corresponding output power can be approximated to [5],

Psig,out,max ≈ (2N�/2)2

2
= 22N−3�2 (1.8)

so that, using Equations 1.6 and 1.8, the DR of an ideal oversampling ADC yields

DR(dB) ≈ 6.02N + 1.76 + 10log10(OSR) (1.9)

2 Note that Equation 1.6 for the IBN of oversampling ADCs also holds true for Nyquist ADCs, just considering
OSR = 1. The same applies for subsequent expressions derived from Equation 1.6.
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f
+fs−fs +Bw −Bw +fs/2 −fs/2

X(f)
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(b)

q(n) NTF(z) eshaped(n)

N-bit
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Figure 1.6 Quantization noise shaping: (a) conceptual block diagram and (b) effect on the in-band
noise of an oversampling noise-shaping ADC.

Note that, for a Nyquist ADC—that is, OSR = 1 in Equation 1.9—each additional bit in
the quantizer results in a DR increase of approximately 6 dB. For an oversampling ADC,
the DR further increases with the OSR by approximately 3 dB/octave, so that using for
instance an OSR of 4 is similar to having one extra bit in the N-bit quantizer.

1.1.4 Noise Shaping

An approach to further increase the accuracy of an oversampling ADC is shaping the
quantization white noise in the frequency domain—that is, filtering it—in such a way that
most of its power lies outside the signal band. This is illustrated in Figure 1.6a, where
the quantization noise is conceptually obtained by subtracting the quantizer input signal
q(n) from its output y(n) and then passes through a filter transfer function, usually called
noise transfer function (NTF).

For quantizers working on LP signals, the NTF is of high-pass type and can be easily
obtained from a differentiator filter, with a Z-domain transfer function given by

NTF(z) = (1 − z−1)L (1.10)

where L stands for the filter order. Taking into account that z = esTs = ej2πf/fs , the
magnitude of the pure-differentiator NTF in Equation 1.10 can be approximated for low
frequencies to

|NTF(f )| = |1 − e−j2πf/fs |L =
[

2 sin

(
πf

fs

)]L

≈
(

2πf

fs

)L

, for f � fs (1.11)
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so that the power due to the shaped quantization noise that lies within the signal band
(Figure 1.6b) yields

IBN =
+Bw∫

−Bw

SE(f )|NTF(f )|2 df ≈ �2

12

π2L

(2L + 1)OSR(2L+1)
(1.12)

Using Equations 1.8 and 1.12, the DR of an ideal oversampling noise-shaping ADC can
be obtained as

DR(dB) ≈ 6.02N + 1.76 + 10log10

(
2L + 1

π2L

)
+ (2L + 1)10log10(OSR) (1.13)

Note that, in comparison with Equation 1.9, if oversampling is used in combination with
noise shaping, the DR increases with OSR by approximately 3(2L + 1) dB/octave.

1.2 Basics of Sigma-Delta Modulators

Contrary to the ADCs discussed so far, which are open loop systems from a control
perspective, Sigma-Delta (��) ADCs rely on a feedback path to achieve a closed-loop
control of the quantization error. The fundamentals on how the shaping of quantization
noise is implemented in practice, as well as the basic architecture, performance metrics,
and ideal behavior of oversampling noise-shaping ADCs is presented in the following
sections.

1.2.1 Topology of �� ADCs

Figure 1.7 illustrates the basic block diagram of a �� ADC intended for the conversion
of LP signals, which consists of the following:

• Antialiasing filter (AAF), which band limits the analog input signal to avoid aliasing
during its subsequent sampling. As discussed in Section 1.1.1, oversampling consider-
ably relaxes the attenuation requirements of the AAF, so that smooth transition bands
are usually sufficient compared to Nyquist-rate ADCs.

• Sigma-Delta modulator (��M), in which the oversampling and quantization of the
band-limited analog signal take place. The quantization noise of the embedded B-bit
quantizer is shaped in the frequency domain by placing an appropriate loop filter H(z)

before it and closing a negative feedback loop around them. Low-resolution quantizers,
with B typically in the range 1–5 bit, are sufficient for obtaining small IBN and high
accuracy in the A/D conversion.

• Decimation filter, in which a high-selectivity digital filter sharply removes the out-of-
band spectral content of the ��M output and thus most of the shaped quantization
noise. The decimator also reduces the data rate from fs down to the Nyquist frequency,
while increasing the word length from B to N bits to preserve resolution.

The �� modulator is the block that has most influence on the performance of the
ADC, basically because it is responsible for the sampling and quantization processes that
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Figure 1.7 General block diagram of a �� ADC. A low-pass discrete-time ��M is assumed.
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x(n)

(b)

x(n)

q(n)

q(n) y(n)

y(n)

e(n)

kqH(z)

H(z)
B-bit

Figure 1.8 �� modulator: (a) block diagram and (b) ideal linear model.

ultimately limit the accuracy of the A/D conversion. We will focus on this block from
now on, although it must be kept in mind that a �� ADC is more than a ��M!

1.2.2 Signal Processing in ��Ms

The basic scheme of a �� modulator consists of a loop filter H(z) and a B-bit quantizer
in a feedback loop, as shown in Figure 1.8a [6]. Let us consider that the gain of the loop
filter is large within the signal band and small outside it. Owing to the action of negative
feedback, the analog input signal x and the analog version of the ��M output y will
practically coincide within the signal band, so that the error signal x − y in this closed-
loop system is very small within the signal band. As the B-bit quantizer is uniform, most
of the differences between the input and the output of the ��M will be placed at higher
frequencies, so that the quantization noise is shaped in the frequency domain and most
of its power is pushed outside the signal band.

Using the linear additive white noise model in Figure 1.4b for the embedded quantizer,
the ��M in Figure 1.8a can be modeled as the two-input (x and e) one-output (y) linear
system in Figure 1.8b, which is described in the Z-domain as

Y (z) = STF(z)X(z) + NTF(z)E(z) (1.14)
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where STF and NTF stand for the signal and noise transfer functions, respectively
given by

STF(z) = kqH(z)

1 + kqH(z)
, NTF(z) = 1

1 + kqH(z)
(1.15)

Note that, if the loop filter is designed such that |H(f )| � 1 within the signal band, then
|STF(f )| ≈ 1 and |NTF(f )| � 1; that is, the quantization noise is ideally canceled while
the input signal is perfectly transferred to the output.

For the conversion of LP signals, the simplest loop filter H(z) that exhibits the desired
frequency performance is an integrator,

ITF(z) = z−1

1 − z−1
(1.16)

that, in combination with an embedded quantizer with kq = 1, leads to a ��M whose
output is given by

Y (z) = z−1X(z) + (1 − z−1)E(z) (1.17)

and builds up a first-order, high-pass shaping of the quantization noise—see Equation 1.10.
For the sake of illustration, Figure 1.9 shows the output signal of a first-order ��M with
a embedded 3-bit (8-level) quantizer for a sinusoidal input signal. Note that, due to the
combined action of oversampling and negative feedback, the modulator output is a pulse-
density modulated (PDM) signal whose local average tracks the input signal value within
adjacent code transitions.

1.2.3 Performance Metrics of ��Ms

Contrary to Nyquist-rate ADCs, whose performance is mainly characterized by static
performance metrics—that is, monotonicity, gain and offset errors, differential nonlinear-
ity (DNL), and integral nonlinearity (INL) [5]—�� ADCs’ characteristics are typically

1.0
0.8
0.6
0.4
0.2
0.0

−0.2

−0.4

−0.6

0 100 200

Clock cycle

300 400 500

−0.8

−1.0

In
pu

t a
nd

 o
ut

pu
t s

ig
na

l

Figure 1.9 PDM output signal of a first-order, �� modulator with an embedded 3-bit quantizer
for an input sinusoid.
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Figure 1.10 Illustration of a typical output spectrum of a �� modulator and its main character-
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measured using dynamic performance metrics, which are obtained from the frequency-
domain representation of the time-domain digital output sequence. The latter thus requires
the computation of the fast Fourier transform (FFT) of a finite-length output sequence
with a specific windowing function, as will be discussed in Chapter 4. From that power
spectrum representation of a ��M output sequence, some spectral metrics are directly
measured and other noise and power metrics are derived.

Figure 1.10 illustrates an exemplary spectrum of a ��M output sequence when a
sinusoidal signal with frequency fin is applied at its input. The main characteristics of the
spectrum are highlighted; for example, the length of the digital sequence from which the
FFT has been computed, the output signal peak at the frequency fin corresponding to the
converted signal, etc. As will be discussed in Chapter 2, nonidealities of the circuitry used
for implementing the ��M deviate in practice the output spectrum from a purely shaped
quantization noise. On the one hand, linear errors give rise to a noise floor, as well as to a
degradation of the shaping order. On the other, nonlinear errors generate distortion, which
is typically noticeable for large input amplitudes, but submerged under the noise floor for
small input signal amplitudes. Spectral metrics such as the spurious-free dynamic range
(SFDR)—that is, the ratio of the signal power to the strongest spectral tone [5]—can be
directly measured from the output modulator spectrum, as shown in Figure 1.10.

Noise and power metrics are derived from the ��M output spectra by integration over
the signal bandwidth and are typically collected in a single plot as shown in Figure 1.11.
These metrics are usually the most important measures and comprise the following:

• Signal-to-noise ratio (SNR), which is the ratio of the output power at the frequency of
an input sinusoid to the uncorrelated IBN:

SNR(dB) = 10log10

(
Psig,out

IBN

)
(1.18)
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Figure 1.11 Illustration of the performance metrics of a �� modulator on a typical SNR curve.

It accounts for the modulator linear performance only, so that the in-band power asso-
ciated to harmonics of the input signal is not considered as part of the IBN for SNR
computation.

If an ideal ��M is considered and only the in-band quantization noise is accounted
for in the IBN computation, the term signal-to-quantization-noise ratio (SQNR) is often
employed.

• Signal-to-noise-plus-distortion ratio (SNDR), which is defined as the ratio of the output
power at the frequency of an input sinusoid to the total IBN power, also accounting
for possible harmonics at the ��M output. As illustrated in Figure 1.11, this makes a
typical SNDR curve to deviate from the SNR curve only for large input amplitudes, for
which the generated distortion is noticeable. Therefore, the output spectra from which
the SNDR curve is computed are typically obtained by applying an input signal at
fin ≤ Bw/3 (for LP ��Ms), so that at least the second and third harmonics lie within
the signal band.

• Dynamic range (DR), which can be defined as the ratio of the output power at the
frequency of an input sinusoid with maximum amplitude to the output power for a
small input amplitude for which SNR = 0 dB; that is, so it cannot be distinguished
from the error. Ideally, a sinusoid with maximum amplitude at the modulator input
will provide an output sinusoid sweeping the full-scale range YFS of the embedded
quantizer, so that

DR(dB) = 10log10

(
Psig,out,max

IBN

)
= 10log10

[
(YFS/2)2

2IBN

]
(1.19)

• Effective number of bits (ENOB): as the DR of an ideal N-bit Nyquist-rate con-
verter is given by Equation 1.9 with OSR = 1, a similar expression can be established
for ��Ms

ENOB(bit) = DR(dB) − 1.76

6.02
(1.20)
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where ENOB can be defined as the number of bits needed for an ideal Nyquist-rate
ADC to achieve the same DR as the �� ADC. The performance of oversampled ��

converters and Nyquist-rate ADCs can thus be compared in a simple way [7].
Instead of the DR, the peak SNDR is also often used in Equation 1.20 to express the

accuracy of the A/D in a �� modulator in bits.
• Overload Level (OL): as illustrated in Figure 1.11, the SNR of a �� modulator increases

monotonously with the input signal amplitude (Ain), but sharply drops for input ampli-
tudes close to half of the full-scale input range of the embedded quantizer (XFS/2) due
to its overload and the associated IBN increase. The overload level is considered to
define the maximum input amplitude for which the ��M still operates correctly and
can almost be arbitrarily defined, but it is typically chosen as the amplitude for which
the SNR drops 6 dB below the peak SNR [8].

1.2.4 Performance Enhancement of ��Ms

The output of an ideal LP Lth-order �� modulator in the Z-domain can be considered
to be

Y (z) = STF(z)X(z) + NTF(z)E(z) = z−LX(z) + (1 − z−1)LE(z) (1.21)

where |STF(f )| = 1 and the NTF builds up an Lth-order high-pass shaping of the quan-
tization noise of the embedded quantizer. If a B-bit quantizer is employed, the DR of the
��M can be obtained from Equations 1.12 and 1.19 to ideally yield

DR(dB) = 10log10

(
Psig,out,max

IBN

)
≈ 10log10

[
3

2
(2B − 1)2 (2L + 1)OSR(2L+1)

π2L

]
(1.22)

taking into account that YFS = (2B − 1)�—see Equation 1.2 —and considering quanti-
zation noise as the only contribution to the IBN.

Note from Equation 1.22 that the DR of a �� modulator is ideally determined by
the values of L, OSR, and B, which can thus be considered as the three key param-
eters that define the ��M at the high level. The pros and cons of increasing the DR
of a �� modulator by increasing each of these parameters are briefly discussed in
the following:

• High-order �� modulators. The accuracy of the A/D conversion can be considerably
improved by increasing the noise-shaping order, because a larger fraction of the total
quantization noise power will be pushed out of the signal band. Figure 1.12 illustrates
the ideal noise-shaping functions of orders ranging from 1 to 5. The case L = 0—that
is, no shaping—is also included for comparison purposes. The DR enhancement if L

is increased in one for a given OSR can be obtained from Equation 1.22 to be

�DR(dB) ≈ 10log10

[
2L + 3

2L + 1

(
OSR

π

)2
]

(1.23)

This means that, for instance, the DR of a fourth-order ��M with OSR = 32 is ideally
21.3 dB (3.5 bit) larger than that of a third-order ��M.
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Figure 1.12 Illustration of the shaping of quantization noise as a function of frequency in a ��M.
NTF is given by Equation 1.10 and L stands for the noise-shaping order.

However, as will be discussed in Section 1.4.2, the use of high-order (L > 2) loop
filters gives rise to stability problems in a ��M. Although these problems can be
circumvented, the DR of a high-order ��M will in practice be smaller than predicted
in Equation 1.22.

• High OSR �� modulators. Figure 1.13 shows the ideal DR as a function of OSR
for noise-shaping orders ranging from 0 (no shaping) to 5 and assuming a single-
bit embedded quantizer (B = 1). As illustrated, the combination of oversampling and
noise-shaping considerably enhances the ��M performance for OSR > 4. Note from
Equation 1.22 that the DR of an ideal Lth-order �� modulator increases with OSR in
3(2L + 1) dB/octave.

However, for a given conversion bandwidth Bw, the OSR cannot be arbitrarily
increased, because it leads to a higher sampling frequency fs for the operation of
the �� circuitry. The latter, if achievable in practice for a given technological process,
leads to larger power consumption.

• Multibit �� modulators. An increase in B leads to a decrease of the quantization
step � and thus to a reduction of the quantization noise power. Each additional bit
in the embedded quantizer of a ��M is considered to typically yield a 6 dB (1 bit)
improvement on the DR [9].

However, a multibit embedded quantizer requires a multilevel DAC to close the
negative feedback loop in the ��M. Contrary to a two-level feedback DAC (B = 1),
which is inherently linear, a multilevel DAC will in practice be nonlinear to some
extent. As noticeable from Figure 1.17, the DAC nonlinearity will be directly added to
the ��M input and will thus appear at the output, as |STF(f )| ≈ 1 within the signal
band. Therefore, the linearity required in a multibit DAC equals in practice that wanted
for the �� modulator. This point will be further discussed in Section 1.6.
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Figure 1.13 Ideal dynamic range of a ��M as a function of the oversampling ratio for different
noise-shaping orders (L). A single-bit internal quantizer (B = 1) is assumed.

1.3 Classification of �� Modulators

The strategies discussed in Section 1.2.4 for improving the DR of a ��M may be
combined in many different ways, giving rise to the huge number of ��M topolo-
gies reported in literature, which can be grouped attending to different classification
criteria [10]:

• Single-Loop versus Cascade ��Ms (attending to the number of quantizers employed).
��Ms employing only one quantizer are called single-loop topologies, whereas those
employing several quantizers are often named cascade or MASH ��Ms. These topo-
logical alternatives will be discussed in Sections 1.4 and 1.5.

• Single-Bit versus Multibit ��Ms (attending to the number of bits in the embedded
quantizer). Their pros and cons will be discussed in Section 1.6.

• Low-Pass versus Band-Pass ��Ms (attending to the nature of the signals being con-
verted). The A/D conversion of LP signals has been assumed in previous sections, but
BP ��Ms can also be built, as will be discussed in Section 1.7.

• Discrete-Time versus Continuous-Time ��Ms (attending to the nature of loop filter
dynamics). The use of a DT loop filter in the ��M has been assumed in previous
sections. However, CT ��Ms can be also implemented in practice. According to this
classification criteria, hybrid CT/DT ��Ms take advantage of the benefits of both DT
and CT implementations, which will be discussed in Section 1.8.

Describing all possible ��M architectures derived from previous classification criteria
goes beyond the scope of this book. A detailed analysis of them can be found in the many
papers and books devoted to the topic in the �� literature [4, 9, 11–23]. Instead, we will
hereafter focus on the most representative families of �� modulators.
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1.4 Single-Loop �� Modulators

�� modulators that make use of only one embedded quantizer are usually referred to as
single-loop topologies. To get familiar with these architectures, their performance, their
circuit-level implementation, as well as some other practical aspects are first addressed
considering the case of second-order ��Ms. Afterward, the problematics of stability in
higher-order ��Ms is presented, together with architectural alternatives to circumvent it.

1.4.1 Second-Order ��M

Figure 1.14a shows a second-order �� modulator built up by cascading two DT inte-
grators [24], with each integrator receiving a weighted feedback path from the DAC.
Coefficients ai are usually called integrator scalings or weights. Under linear analysis, the
modulator output in the Z-domain yields

Y (z) =
kqa1a2

z−2

(1−z−1)2 X(z) + E(z)

1 + kqa1a2
z−2

(1−z−1)2 + kqa2
z−1

(1−z−1)

(1.24)

where kq stands for the gain of the quantizer. For a pure second-order shaping,
Equation 1.24 needs to be simplified to

Y (z) = z−2X(z) + (1 − z−1)2E(z) (1.25)

so that the following expressions for the integrator coefficients need to be fulfilled:

kqa1a2 = 1
kqa2 = 2

(1.26)

Figure 1.14b shows an alternative representation of the second-order ��M according
to the coefficients notation in [12, 19], which allows to allocate different weights in the
forward and feedback paths of each integrator, using coefficients gi and g′

i, respectively.
As exemplary illustrated in Figure 1.15, the notations in Figure 1.14a and b can be easily
connected with the equalities:

a1 = g′
1g2

g′
2

a2 = g′
2

(1.27)

Both nomenclatures for the integrator scaling coefficients of �� modulators will be
used throughout this book. The notation in [8, 9] is closer to the modulator architectural
level, whereas the notation in [12, 19] is closer to the actual circuit-level implementation,
in which integrators with more than one SC input branch are usually employed. The
latter is thus useful to accurately account for some nonidealities of the practical ��M
implementation, which will be covered in Chapter 2.
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Figure 1.14 Block diagram of second-order ��Ms and different notations: (a) general representa-
tion of the DT-��M using the notation in [8, 9] and (b) alternative representation of the DT-��M
using the notation in [12, 19].

For the sake of illustration, Figure 1.16 shows a possible implementation of the second-
order ��M in Figure 1.14 using fully-differential SC circuitry and assuming single-bit
quantization. The modulator differential input signal is denoted by X and the modulator
digital output Y , after the comparator, controls the feedback connection of reference
voltages Vref+ and Vref− to the integrators. The modulator full scale range � thus equals
2Vref, with Vref = Vref+ − Vref−. Note from the first SC integrator in Figure 1.16 that
both the modulator input signal and the DAC feedback signal are processed through the
sampling capacitor CS. For the second integrator, the output of the first integrator is
processed through both CS1 and CS2, whereas the DAC feedback signal is processed only
through CS2. The modulator scaling coefficients are thus implemented as the following
capacitor ratios (Figure 1.14b)

g1 = g′
1 = CS

CI1

g2 = CS1 + CS2

CI2
, g′

2 = CS2

CI2

(1.28)

In practice, the value of the integrator weights are selected to fulfill the relations in
Equation 1.26, also taking into account their implication in some aspects of the modulator
performance, such as the following:

• Keeping the state variables (integrator outputs) bounded to ensure the modulator sta-
bility. The second-order ��M is stable for inputs in the range [−0.9�/2, +0.9�/2]
if g′

2 > 1.25g′
1g2, regardless the quantizer gains kq [24]. This condition is already met

if g′
2 = 2g′

1g2—see Equations 1.26 and 1.27.
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Figure 1.15 Illustration of the equivalence between the DT representations in Figure 1.14a
and 1.14b.

• Keeping the modulator overload level as close as possible to the full scale to ensure a
high-peak SNR—see Figure (1.11).

• Minimizing the required signal range at the integrators outputs; that is, the integrator
output swing demands must be attainable with the intended voltage supply and as low
as possible to reduce power consumption and to facilitate circuit design.

• Simplifying the practical implementation of the integrator weights as ratios of
unit capacitors.

Generally speaking, the selection of the scaling coefficients of a �� modulator involves
solving several trade-offs between architectural-, circuit-, and technological-level aspects
of the practical implementation, so that the optimum selection for a given application
may not apply in a different scenario. For the sake of illustration, Table 1.1 shows several
sets of weights reported for the second-order, single-bit ��M in Figure 1.14. All sets
exhibit an overload level XOL ≈ −4 dBFS (i.e., −4 dB below the full-scale amplitude
Vref = �/2). The required integrator output swing and the minimum number of unit
capacitors are also included. Capacitor sharing between weights in the same integrator
has been considered.
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Figure 1.16 Fully-differential SC implementation of a second-order �� modulator.

Table 1.1 Comparison of some sets of coefficients reported for the second-order
single-bit ��M

[7] [25] [26] [27]

g1, g
′
1 1/2, 1/2 1/4, 1/4 1/2, 1/2 1/3, 1/3

g2, g
′
2 1/2, 1/2 1/2, 1/4 1, 1/2 3/5, 2/5

a1, a2 0.5, 0.5 0.5, 0.25 0.5, 0.5 0.5, 0.4

Overload level −4 dBFS −4 dBFS −4 dBFS −4 dBFS
Integrator output swing ±1.5Vref ±0.75Vref ±1.25Vref ±1.0Vref
Unit capacitors 6(= 3 + 3) 11(= 5 + 6) 9(= 5 + 4) 12(= 4 + 8)

(2× in fully diff)

Second-Order ��M with Unity STF

Figure 1.17 shows an alternative second-order ��M topology that makes use of feed-
forward paths to implement a so-called unity STF [28, 29]. Under linear analysis, the
modulator output in the Z-domain yields

Y (z) = X(z) + (1 − z−1)2E(z) (1.29)
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Figure 1.17 Second-order �� modulator with unity STF.

so that STF(z) = 1—that is, the signal transfer function equals 1 at all
frequencies—whereas NTF is unaffected.

One of the most appealing features of the unity-STF ��M in Figure 1.17 is that ideally
there is no input signal trace processed by the integrators. Indeed, the integrator inputs in
Z-domain can be obtained as

X1(z) = −(1 − z−1)2E(z)

X2(z) = z−1(1 − z−1)2E(z)
(1.30)

showing that they depend only on the quantization error. In practice, there will be some
residual component of the modulator input signal at the integrator inputs, but it is nor-
mally negligible. This means that, if nonlinearities of the circuit implementation are
accounted for, the generated distortion will be considerably lower for the unity-STF
��M in Figure 1.17 compared to the one traditional ��M in Figure 1.14. Moreover, the
technique is effective for any OSR, which makes unity-STF ��Ms especially suited for
lowering the sensitivity to circuit imperfections in wideband applications, in which low
OSR values are required.

The described concept of unity STF can be extended to a noise shaping of any order.
The only requirement is to ideally make STF(z) = 1, without changing the modulator
NTF. In recent years, it has been often applied in ��Ms for wideband and multimode
applications [30–34].

1.4.2 High-Order ��Ms

The simplest way to extend a ��M to an arbitrary Lth-order shaping consists of including
L integrators before the quantizer. Extending the second-order ��M in Figure 1.14a, the
topology in Figure 1.18 is obtained, which is known as an Lth-order single-loop ��M
with distributed feedback [35].3 Ideally, its NTF can be derived from linear analysis

3 The discrete-time filters H(z) in Figure 1.18 are assumed to be integrators with the transfer function in
Equation 1.16.
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Figure 1.18 High-order single-loop ��M with distributed feedback.

and equated to Equation 1.10 to derive a set of relations between the integrator scaling
coefficients to be fulfilled for obtaining a pure-differentiator noise shaping—similarly as
done in Equation 1.26 for the second-order ��M. The in-band quantization noise and
the modulator DR would thus be ideally given by Equations 1.12 and 1.13, respectively.

However, this modulator performance cannot be met in practice because ��Ms with
pure-differentiator FIR NTFs are prone to instability if L > 2, exhibiting unbounded states
and poor SNR compared to that predicted by linear analysis. In general, instability appears
at the modulator output as a large-amplitude, low-frequency oscillation, leading to long
bitstreams of alternating +1s and −1s. This tendency to instability can be explained as
follows [36]. For a ��M to be stable, the quantizer input must not be allowed to become
too large. As the quantizer input is obtained as (Figure 1.18)

Q(z) = STF(z)X(z) + [NTF(z) − 1]E(z) (1.31)

the gain of NTF(z) − 1, or simply NTF(z), must not be too large. However, as clearly
visible from Figure 1.12, the out-of-band gain of FIR NTFs of the form (1 − z−1)L rapidly
increases for L > 2, yielding max[|NTF(f )|2] = 22L at f = fs/2. Consequently, it starts
to overload the quantizer, which yields a significant decrease of the modulator SNR.

This problem can be circumvented by resorting to single-loop ��Ms with IIR NTFs
of the form NTF(z) = (z − 1)L/D(z), with D(z) being a polynomial determined by the
modulator scaling coefficients that helps to limit the out-of-band gain of NTF.4 However,
unlike second-order ��Ms, for which a stability condition has been extracted [24], deter-
mining exact conditions that guarantee the stability of higher-order, single-loop ��Ms is
still an open question. In [8, 37], it is shown, using behavioral simulations, that high-order
��Ms are conditionally stable; that is, with proper selection of the scaling coefficients, a
stable operation can be obtained for inputs restricted within a certain range and for certain
initial conditions of the state variables. However, despite the absence of general stability
conditions, high-order ��Ms have been successfully designed since the late 1980s [38].
Indeed, the topology in Figure 1.18 has been widely used and optimal coefficients for it
have been presented in [8].

4 Note that the scaling coefficients can be thus designed to build a high-pass Butterworth or Chebyshev filter
for NTF.
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Its STF and NTF can be calculated under linear analysis as5

STF(z) = kq

∏L

i=1 aiH
L(z)

1 + kq

∑L

i=1

[(∏L

j=i aj

)
HL−i+1(z)

] (1.33)

NTF(z) = 1

1 + kq

∑L

i=1

[(∏L

j=i aj

)
HL−i+1(z)

] (1.34)

If integrators described by Equation 1.16 are used as filters—H(z) = ITF(z)—the NTF
can be approximated for low frequencies to [8]

|NTF| ≈ |1 − z−1|L
kq

∏L

i=1 ai

(1.35)

in which the complete scaling of the outermost feedback branch of the ��M dominates
the noise-shaping behavior. Similarly as done in Equations 1.11 and 1.12, the IBN of an
Lth-order, single-loop ��M with distributed feedback thus yields

IBNL ≈ �2

12

1

(kq

∏L

i=1 ai)
2

π2L

(2L + 1)OSR2L+1 (1.36)

so that the IBN increases by a factor 1/(kq

∏L

i=1 ai)
2 compared to an ideal ��M.

A major drawback of this loop filter implementation in Figure 1.18 is that the integrator
outputs contain a significant amount of the input signal [41], so that the integrators require
significant swing capabilities and/or the scaling coefficients need to be low. This can be
circumvented using the loop filter topology in Figure 1.19, which is a chain of integrators
with feed-forward summation [42]. Under linear analysis, the corresponding STF and NTF
can be calculated as

STF(z) = kq

∑L

i=1 aL−i+1H
L−i+1(z)

1 + kq

∑L

i=1 aL−i+1H
L−i+1(z)

(1.37)

NTF(z) = 1

1 + kq

∑L

i=1 aL−i+1H
L−i+1(z)

(1.38)

5 The quantizer gain kq of the linear quantizer model is explicitly considered hereinafter. As discussed in
Section 1.1.2, the gain of a multibit quantizer is clearly defined—for example, kq = 1 if its input and output
full-scale ranges are the same (Figure 1.4)—but that of a single-bit quantizer can be arbitrarily chosen. Neverthe-
less, the effective value of kq needs to be estimated to quantitatively analyze the performance of ��Ms. Many
different approaches exist to find a good approximation [8, 39, 40]. Among them, the one adopted here for the
case of ��Ms with distributed feedback corresponds to that in [20]

kq =

⎧⎪⎨
⎪⎩

1/a1, single-bit first-order ��M

2/aL, single-bit Lth-order ��M

1, multibit ��M

(1.32)

because of its simplicity and its good agreement with simulation results.
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Figure 1.19 High-order single-loop ��M with feed-forward summation.
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Figure 1.20 High-order single-loop ��M with distributed feedback and distributed feed-forward
input paths.

Note that NTF structure is the same as in Equation 1.34; therefore, the IBN of this ��M
topology yields an expression similar to that in Equation 1.36.

However, for the case of the distributed feedback topology in Figure 1.18 and the feed-
forward summation topology in Figure 1.19, the loop filter for the STF and the NTF are
essentially identical—compare Equation 1.33 with 1.34 and Equation 1.37 with 1.38. This
means that, if the NTF is designed for the desired noise-shaping behavior, both topologies
also fix the STF function, as STF(z) = 1 − NTF(z) [41].6

If a certain degree of freedom is desired in designing both the modulator NTF
and STF, the topology in Figure 1.20 can be used, which is a chain of integrators
with distributed feedback and distributed feed-forward input paths [43]. In this
architecture, the zeros of STF can be fixed with coefficients bi without affecting

6 In addition, the STF of the feed-forward summation architecture contains some peaking at high frequencies, what
may jeopardize the modulator stability if precautions are not taken [41].
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the pole placement, so both STF and NTF can be separately optimized to some
extent [41].7

1.5 Cascade �� Modulators

As discussed in Section 1.4.2, stability problems arising from implementing a high-order
NTF with a single-loop ��M can be circumvented with adequate scaling coefficients,
but they result in a significant decrease of the DR compared with an ideal ��M. An
alternative approach to obtain a high-order noise shaping while avoiding instabilities
is found in the so-called cascade ��Ms, also known as multiloop ��Ms or multistage
noise shaping (MASH) ��Ms [45–48]. Their architecture is illustrated in Figure 1.21 and
consists of N stages of �� modulators, in which each stage remodulates a scaled version

ΣΔM1 (L1, B1)

ΣΔM2 (L2, B2)

ΣΔMN (LN, BN)

HN(z) ADCN

DACN

X H1(z)
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HdN(z)

ADC1

DAC1

ADC2 Y

DAC2

x1

e1

x2 q2 y2

c1

e2c2

xN qN yN

q1 y1

Digital
Cancelation
Logic

Figure 1.21 General topology of an N-stage cascade �� modulator.

7 Local feedback loops—similar to those described in Section 1.7.2 for creating the notches in the NTF of BP
��Ms—can also be included in LP ��M topologies above to move the NTF zeros away from DC and optimally
spread them over the signal band to minimize the IBN [44]. NTFs with inverse Chebyshev filtering characteristics
can also be designed [41].
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of the quantization error generated in the preceding one. The outputs of the cascaded
stages yi are conveniently processed in digital domain to cancel out at the overall ��M
output y all the quantization errors, but that of the back-end stage. In addition, the latter
quantization error appears at the cascade output shaped with an order L equal to the
summation of those of the cascaded stages (L = L1 + L2 + · · · + LN). Unconditionally,
stable high-order shaping can thus be obtained if only first- and second-order ��Ms
are cascaded (Li ≤ 2), because all feedback loops are local to the low-order �� stages
and there is no interstage feedback. Therefore, the performance of a multistage ��M is
similar to that of an ideal high-order, single-loop with no stability issues.8

The operation principle of cascade ��Ms can be easily understood considering an
exemplary two-stage cascade. Using linear analysis, the stages output can be expressed
in the Z-domain as

Y1(z) = STF1(z)X1(z) + NTF1(z)E1(z)

Y2(z) = STF2(z)X2(z) + NTF2(z)E2(z)
(1.39)

where the input of the �� stages are given by X1(z) = X(z) and X2(z) = −c1E1(z),
and E1(z) and E2(z) stand for the quantization error of the respective stage. The overall
modulator output after the digital cancelation logic (DCL) can thus be obtained from the
expressions above as

Y (z) = Hd1(z)Y1(z) + Hd2(z)Y2(z)

= STFcasc(z)X(z) + NTF1,casc(z)E1(z) + NTF2,casc(z)E2(z)
(1.40)

where STFcasc(z), NTF1,casc(z), and NTF2,casc(z) stand for the overall cascade transfer
functions for the input signal and the quantization errors, respectively

STFcasc(z) = Hd1(z)STF1(z)

NTF1,casc(z) = Hd1(z)NTF1(z) − c1Hd2(z)STF2(z)

NTF2,casc(z) = Hd2(z)NTF2(z)

(1.41)

Note that, if the signal processing in the DCL matches part of the signal processing in
the analog side, Equation 1.41 yields

Hd1(z) = STF2(z)

Hd2(z) = 1
c1

NTF1(z)

}
⇒

⎧⎪⎨
⎪⎩

STFcasc(z) = STF1(z)STF2(z)

NTF1,casc(z) = 0

NTF2,casc(z) = 1
c1

NTF1(z)NTF2(z)

(1.42)

so that the first-stage quantization error is canceled at the overall output and that of the
second stage is attenuated with an order equal to the summation of both stages’ orders
(L = L1 + L2).

8 Cascade ��Ms can be ideally extended to an arbitrary number of stages. However, as will be shown in detail
in Chapter 2, the effectiveness of cascading a large number of �� stages to achieve an arbitrary high-order noise
shaping is limited in practice by circuit nonidealities, which preclude the complete cancelation of low-order-shaped
quantization errors of the front-end �� stages at the modulator output. This effect is known as noise leakage.
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For the generic N-stage cascade ��M in Figure 1.21, assuming STFi(z) = z−Li and
NTFi(z) = (1 − z−1)Li in the individual stages, the overall modulator output thus yields

Y (z) = z−LX(z) + 1∏N−1
i=1 ci

(1 − z−1)LEN(z), with L =
N∑

i=1

Li (1.43)

under the required matching between the analog processing in the �� stages and the
DCL. The in-band quantization noise of the cascade is then given by

IBNcasc = �2
N

12

1∏N−1
i=1 ci

2

π2L

(2L + 1)OSR2L+1 (1.44)

where �N stands for the quantization step employed in the last �� stage. Note from
Equation 1.44 that only the interstage scaling coefficients ci, which prevent a premature
overload of the subsequent stages, decrease the performance below that of an ideal Lth
order ��M. Typical values of 1/

∏N−1
i=1 ci are between 2 and 4 if single-bit quantization

is employed, which lead to a reduction in the ideally attainable DR of only 6–12 dB (1–2
bit). These performance losses are inherent to cascade ��Ms, but they are significantly
smaller than those resulting from optimized high-order single loops. In addition, they are
independent of OSR.

The aforementioned benefits of cascade ��Ms have favored the development of a large
number of different topologies:

• 2-1 ��M, which stands for a third-order two-stage ��M built up with a second-order
stage followed by a first-order one [46]. It is also known as a SOFO cascade—for
second-order first-order.

• 2-2 ��M, which represents a fourth-order cascade built up with two second-order
stages [49, 50].

• 2-1-1 ��M, which stands for a fourth-order, third-stage cascade [25].
• 2-2-1 ��M [51].
• 2-1-1-1 ��M [52].
• 2-2-2 ��M [53].
• etc.

Note from the cascade topologies above that the first stage is usually a second-order
��M and that first-order ��Ms are avoided at the front end [48]. The reason for that is
twofold. First, the quantization error from the first stage would be only first-order shaped
and noise leakages would be larger. Second, the tonal behavior of a first-order, first stage
would menace the performance of the cascade. In addition, although low-order �� stages
are most frequently cascaded, 3-1 and 3-2 ��Ms have also been reported [54, 55].

Figure 1.22 illustrates the block diagram of a 2-1-1 cascade, in which coefficients ai
represent the in-loop integrator scaling factors, whereas coefficients bi and ci determine
the interstage scaling factors. The first stage performs as an ideal second-order ��M and
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Figure 1.22 Block diagram of a 2-1-1 cascade �� modulator using the notation in [8, 9]. The
relations in Equations 1.45 and 1.46 must be fulfilled for the correct operation of the cascade.

the second and third stages as an ideal first-order ��M under the assumptions

kq1a1a2 = 1, kq1a2 = 2

kq2a3 = 1

kq3a4 = 1

(1.45)

where kqi stands for the gain of the quantizer in the ith �� stage. The matching required
between the signal processing in the �� stages and the digital processing in the DCL
leads to

Hd1(z) = z−2[1 + (b1 − 1)(1 − z−1)2][1 + (b2 − 1)(1 − z−1)3]

Hd2(z) = 1

c1
z−1(1 − z−1)2[1 + (b2 − 1)(1 − z−1)3]

Hd3(z) = 1

c1c2
(1 − z−1)3

(1.46)
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Figure 1.23 Alternative representation of the 2-1-1 ��M in Figure 1.22 using the notation in
[12, 19]. Modulator coefficients (ai, bi, ci) are mapped onto integrator input coefficients (gi, g

′
i , g

′ ′
i ),

which are closer to the circuit-level implementation.

for a complete cancelation of the first- and second-stage quantization errors at the cascade
output. For the sake of completeness, Figure 1.23 shows an alternative representation of
the 2-1-1 ��M according to the notation in [12, 19]. Proceeding in a similar way as
done in Figure 1.15 for the second-order ��M, both notations can be easily connected
with the equalities:

a1 = g′
1g2

g′
2

, a2 = g′
2, a3 = g

′′
3 , a4 = g

′′
4

b1 = g
′
3

g′
1g2g3

, b2 = g
′
4

g
′ ′
3 g4

c1 = g′
1g2g3

g
′ ′
3

, c2 = g
′ ′
3 g4

g
′ ′
4

(1.47)
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Table 1.2 Comparison of some sets of coefficients reported for the 2-1-1 single-bit ��M

[56] [25] [27]

g1, g
′
1 1/4, 1/4 1/4, 1/4 1/3, 1/3

g2, g
′
2 1, 1/2 1/2, 1/4 3/5, 2/5

g3, g
′
3, g

′ ′
3 1, 1/2, 1/2 1, 3/8, 2/8 5/6, 3/6, 2/6

g4, g
′
4, g

′ ′
4 1, 1/2, 1/2 1, 1/4, 1/4 1, 1/3, 1/3

a1, a2, a3, a4 0.5, 0.5, 0.5, 0.5 0.5, 0.25, 0.25, 0.25 0.5, 0.4, 0.33, 0.33
b1, c1, b2, c2 2, 0.5, 1, 1 3, 0.5, 1, 1 3, 0.5, 1, 1

1/(c1c2) 2 2 2
Loss of DR −6 dB −6 dB −6 dB
Overload level −3 dBFS −2.5 dBFS −2 dBFS
Integrator output swing ±(0.75, 1, 1, 1)Vref ±(0.75, 0.7, 0.6, 0.6)Vref ±(1, 1, 0.9, 0.8)Vref
Unit capacitors (2×) 17(= 5 + 4 + 4 + 4) 35(= 5 + 6 + 16 + 8) 29(= 4 + 8 + 11 + 6)

The value of the analog coefficients in the 2-1-1 ��M need to be selected to fulfill
the relations in Equation 1.45, but many different sets of values can do the work. On top
of that, extra considerations are in practice taken into account, such as the following:

• Minimizing the resulting loss of performance in comparison to an ideal ��M.
• Maximizing the modulator overload level to achieve a high-peak SNR.
• Simplifying the circuit-level implementation of the set of analog coefficients. For SC-

��Ms, this means taking into account practical capacitor ratios using unit elements,
enabling capacitor sharing within the integrators, reducing the total number of unit
capacitors for area saving, etc.

• Minimizing the integrator output swing requirements, especially in case of a low-voltage
supply.

• Simplifying the implementation of the DCL. To that purpose, power of two coefficients
are often preferred for b1, b2, 1/c1, and 1/c2—see Equation 1.46 —in order to use shift
registers only.

Table 1.2 illustrates some sets of analog coefficients reported for the 2-1-1 single-bit
��M, together with their main resulting features. Optimized coefficients for some other
cascade topologies can be found in [8].

1.6 Multibit �� Modulators

As discussed in Section 1.2.4, the DR of a ��M can be enhanced if the resolution of
the embedded quantizer is increased. The main advantages of resorting to multibit ��

modulators are as follows:

• The in-band quantization noise power is roughly reduced 6 dB per additional bit in the
embedded quantizer, thanks to the smaller quantization step �.
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• Internal nonlinearities are weaker in multibit ��Ms than in their single-bit counterparts.
The quantizer operation better fits the additive white noise model in Section 1.1.3 and
the phenomena caused by nonlinear dynamics are less evident.

• For a given order in the loop filter, the stability properties of multibit ��Ms are better
than for single-bit ��Ms [57].

These benefits suggest that, for a targeted performance of the ��M, multibit quanti-
zation can be traded for noise shaping and/or oversampling. Indeed, multibit ��Ms are
often employed in broadband applications to compensate for the limited OSR. Never-
theless, multibit quantizers also have important drawbacks that may counter the former
advantages:

• They require more analog circuitry and are more difficult to design than single-bit ones.
• Contrary to 1-bit quantizers, which are intrinsically linear because only two levels are

used for quantization, multibit quantizers exhibit in practice some nonlinearities in their
transfer characteristic, mostly due to device mismatching, which significantly influence
the ��M performance.

1.6.1 Influence of Multibit DAC Errors

Figure 1.24 illustrates an enhanced version of the linear model of a multibit ��M in
Figure 1.8b. Errors related to the multibit conversion are added to the quantization error
e that has been considered so far; namely, an error eADC associated to the A/D conversion
and an error eDAC in the subsequent D/A conversion required to reconstruct the analog
feedback signal. Note that eADC is injected in the same path as the quantization error e

and, therefore, it is also attenuated within the signal band by noise shaping. However,
DAC errors are injected in the feedback path and, therefore, they directly add to the ��M
input signal and pass to the ��M output as part of the input signal itself. Consequently,
the linearity of a multibit ��M will be no better than that of the multibit embedded DAC
and the latter must be designed to achieve the linearity targeted for the whole �� ADC,
what may be challenging under the influence of component mismatching.

Figure 1.25 conceptually illustrates the parallel architecture that is typically used for
the multibit quantizer in ��Ms, in which the resolution is usually low (B ≤ 5). The
B-bit ADC consists of a bank of 2B − 1 comparators that digitizes the loop filter output
into thermometer code, which will be subsequently coded into binary. The DAC employs
2B − 1 unit elements (capacitors, resistors, current sources, etc., depending on the circuit

x (n) kq
q(n)

y(n)

e(n)

yDAC(n)

eDAC(n)

eADC(n)

H(z)

Figure 1.24 Linear model of a multibit ��M including errors in the embedded ADC and DAC.
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Figure 1.25 Parallel topology of a typical multibit quantizer embedded in a ��M.

implementation) to reconstruct the analog feedback signal using 2B levels (numbered
from 0 to M = 2B − 1). The ith analog output level is generated by activating i unit
elements and adding their outputs (charges or currents). DAC errors are caused by the
mismatching between its unit elements, which makes the DAC output levels deviate
from their nominal values. Assuming that the actual value of each unit element follows
a Gaussian distribution, the worst-case relative error in the DAC output yDAC can be
estimated as

σ

(
�yDAC

yDAC

)
≈ 1

2
√

2B
σ

(
�U

U

)
(1.48)

where σ(�U/U) stands for the relative error in the value of the unit element. Obviously,
the DAC accuracy increases with the number of unit elements, thanks to the parallel topol-
ogy. However, for a ��M with 4-bit embedded quantization to achieve 16-bit linearity,
the required matching for the DAC unit elements should be better than 0.01% (13 bits).
Device matching achieved in present-day CMOS processes is nevertheless in the range of
0.1% (10 bits) and the required accuracy in the elements can only be obtained through the
parallel connection of many more of them (∼ 64). This means that achieving linearities
better than 12 or 13 bits in multibit ��Ms by means of relying only on standard device
matching usually leads to prohibitive area occupation.

A direct method to improve the standard device matching is laser trimming, what can
sometimes be done at the foundry, but at the expense of additional fabrication and/or
measurement steps and increased cost. Calibration and correction schemes have also
been proposed, either in analog or digital domain [58], but they are often expensive
to implement in terms of system design complexity, hardware requirements, and power
consumption.

Among the different alternatives that have been developed through the years for achiev-
ing high-linear multibit ��Ms, two of them clearly prevail because of the modest com-
ponent matching required and the reduced circuit complexity involved. These approaches
are discussed in the following text.

1.6.2 DEM Techniques

As previously discussed, mismatches among the unit elements cause DAC nonlinearities
that generate harmonic distortion in the ��M. For a multibit DAC with the topology in
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Figure 1.26 Incorporating an element selection logic for applying DEM to a multibit DAC.

Figure 1.25, there is a univocal correspondence between the thermometric input code (y)
and the respective error of the DAC output (yDAC), because the same unit elements are
always used for generating a given DAC output level. The operation principle of DEM
consists in breaking this direct correspondence by varying over time the set of elements
that are employed for generating a given DAC level, thus transforming its fixed error into
a time-varying one. To that purpose, as conceptually illustrated in Figure 1.26, a digital
block is incorporated, which controls the selection of unit elements at each clock cycle
according to an algorithm that tries to null the average error in each DAC level over time.
This way, part of the DAC error power that lies in the low-frequency range will thus be
pushed to higher frequencies and removed by the decimator.

The incorporation of DEM techniques to multibit ��Ms is facilitated by digitally
oriented CAD tools and can represent a little area overhead in the current CMOS process,
what explains the large number of algorithms that have been developed though the years.
A detailed overview of many of them can be found in [9, 58, 59]. They can be categorized
as follows:

• Randomization Algorithms, in which the DAC unit elements are selected according to
pseudo-randomly configured networks (e.g., butterfly structures) [60]. Harmonic dis-
tortion induced by the DAC is transformed into white noise, whose out-of-band power
will be removed by the decimation filter. The DAC error power lying within the signal
band will nevertheless increase the noise floor of the ��M.

• Rotation Algorithms, in which the DAC unit elements are selected in a periodic manner
for shifting harmonic distortion out of the signal band. The ��M noise floor is not
increased, but the signal processing can originate mixed frequency components that
fold over the modulator passband. Clocked averaging (CLA) [61] is an example of this
kind of DEM techniques.

• Mismatch-Shaping Algorithms, in which the DAC unit elements are selected according
to algorithms that conform the mismatching error to push most of its power to higher
frequencies. The order of the mismatch shaping is normally limited to one or two.
Individual level averaging (ILA) [62] and data weighted averaging (DWA) [63]—and
its many modifications—pertain to this kind of algorithms.

• Vector-Quantizer Structures, in which a digital �� converter in error-feedback config-
uration is incorporated to achieve high-order shaping [64].
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DWA and Pseudo-DWA Algorithms

Among the many different DEM alternatives, DWA [63]—or a modified version of
DWA—dominates in high-speed, high-resolution �� modulators with multibit quantiza-
tion. In such high-speed ��Ms, the complexity of the DEM algorithm becomes a concern
because the delay introduced by the DEM selection logic in the �� feedback loop can
limit the maximum achievable clock frequency. Regarding this, DWA results in highly
practical implementations, especially when the number of DAC elements is large [59].

Consider an M-element DAC, as that shown in Figure 1.26, with input code y(n). In
conventional DWA [63], the DAC unit elements are selected sequentially from the DAC
array beginning with the next available unused element. An index pointer ptr stores the
address of that element in a digital register and governs the rotational element selection
process, so that the DAC elements selected at time n are those from ptr(n) to [ptr(n) +
y(n) − 1] mod M by increasing order. Every clock cycle, the index pointer is incremented
modulus M by the DAC input code y(n) according to

ptr(n + 1) = [ptr(n) + y(n)] mod M, 0 ≤ ptr(n) ≤ M − 1 (1.49)

Figure 1.27 illustrates how the elements of a 4-bit DAC would be selected following the
DWA algorithm given earlier, which achieves a first-order shaping of the DAC mismatch
errors.

However, if the ��M input is DC or varies slowly, and there is a rational relation
between its value and the number of DAC elements, out-of-band tones are generated
that may fold back to the signal band due to the modulation by the ��M’s output
waveform [63]. Several modifications of the conventional DWA algorithm have been
proposed to reduce its tonal behavior, such as rotated data weighted averaging (R-DWA)
[65], randomized data weighted averaging (Rn-DWA) [66], bidirectional data weighted
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y(4) = 4

y(5) = 2

y(6) = 5

y(7) = 9

y(8) = 5

y(3) = 10

Time
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U0 U1 U2 U3 U4 U5 U6 U7 U8 U9 U10 U11 U12 U13 U14

Figure 1.27 Selection of unit elements in a 15-element DAC according to the DWA algorithm in
Equation 1.49. The shaded boxes indicate the elements that contribute to generate the DAC output
level yDAC(n) for the corresponding input code y(n).
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averaging (Bi-DWA) [67], partitioned data weighted averaging (P-DWA) [51], and pseudo
DWA [68].

Among them, pseudo DWA significantly decreases the tonal power with a minor modi-
fication of the DWA algorithm. Pseudo DWA modifies the DWA scheme by inverting with
periodicity ninv the least-significant bit (LSB) of the DAC input code y(n) used to update
the index pointer in Equation 1.49. The element-selection process is thus essentially the
same as in conventional DWA except that, in every ninv clock cycle, a DAC element is
either reselected or skipped depending on whether the previous DAC input code was odd
or even, respectively. This modification of the DWA algorithm breaks the cyclic nature of
the element-selection process and, hence, reduces the tonal behavior [68]. The choice of
ninv is, however, a compromise between linearity and resolution. If ninv is too large—note
that ninv = ∞ corresponds to conventional DWA—the signal-dependent tones will not
be eliminated. If ninv is too small, different DAC elements will be used at significantly
different rates, what results in an increase of the in-band noise. Deriving an analyti-
cal expression for the optimum value of ninv is rather complex, but simple behavioral
simulations can be used to find an appropriate value for a given multibit ��M [68].

1.6.3 Dual Quantization

Rather than reducing the DAC mismatch errors that are injected in the feedback of a
multibit ��M—as DEM techniques do—dual quantization basically consists in injecting
them at a different point, where their influence on the overall ��M linearity is not
severe. The operation principle of dual quantization is to employ both single- and multibit
quantization at a time in a ��M: two-level quantization for its intrinsic linearity and
multibit quantization for its reduced error power. The concept is applicable to both single-
loop and cascade ��Ms.

Dual-Quantization Single-Loop ��Ms

Figure 1.28 shows a third-order, single-loop ��M with dual quantization [69], in which
the first two integrators are fed by a two-level DAC, whereas the third one is fed by a
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Figure 1.28 A third-order single-loop ��M employing dual quantization [69].
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multibit DAC. The outputs of the corresponding ADCs are digitally processed to cancel
the coarse 1-bit quantization error at the overall output, in which only the fine multi-
bit quantization error ideally remains. The modulator linearity is not menaced, as DAC
mismatch errors are suppressed by the gain of the first two integrators and are thus
second-order, high-pass shaped. The third-order ��M also benefits from improved sta-
bility thanks to the multibit feedback in the back-end integrator. Note that the topology,
however, requires a DCL and thus suffers from noise leakages.

The concept in Figure 1.28 can be generalized to higher-order ��Ms. As the order
of the loop filter increases, the number of back-end integrators with multibit feedback is
a trade-off between aggressive noise shaping (to improve stability) and linearity require-
ments of the multibit DAC.

Dual-Quantization Cascade ��Ms

Dual-quantization schemes are naturally incorporated to cascade ��Ms [70]. As shown
in Section 1.5, the output of a cascade ��M ideally contains only the input signal
and the last-stage quantization error, whereas the quantization errors from the remaining
stages are removed by the DCL. The DR of the ��M can be thus easily increased
using multibit quantization only in the back-end stage. The remaining quantizers can be
single-bit ones to retain linear feedback in the front-end stages. Therefore, the resulting
topology is that illustrated in Figure 1.21 with Bi = 1 (i = 1, . . . , N − 1) and BN = B.
This way, nonlinearities in the multibit DAC will appear at the overall cascade output
with a shaping of order equal to the summation of the order of the preceding �� stages,
so that Equation 1.43 yields

Y (z) = z−LX(z) + 1∏N−1
i=1 ci

(1 − z−1)LEN(z)

+ 1∏N−1
i=1 ci

(1 − z−1)(L−LN)EDAC(z), with L =
N∑

i=1

Li

(1.50)

if the error in the back-end multibit DAC EDAC(z) is taken into account in the linear
analysis. Many cascade ��M integrated circuits using this dual-quantization scheme can
be found in the literature [4, 10, 18].

Many cascade ��Ms employing multibit quantization in all stages have also been
reported [51, 67]. Note that, under ideal conditions, the quantization errors of all but the
last stage are canceled at the overall cascade output by the DCL. Multibit quantization
can be used in these stages with a twofold purpose as follows:

• For reducing the power of the respective quantization errors that will in practice leak to
the output. DEM techniques can be employed in the front-end �� stage for achieving
the targeted modulator linearity, whereas the remaining multibit stages often rely just
on the shaping provided by the preceding integrators [51].

• For increasing the value of the interstage scaling coefficients ci in the �� cascade—see
Figure 1.21—in comparison with a 1-bit approach, while avoiding overloading [67].
This way, the factor 1/

∏N−1
i=1 ci that amplifies the last-stage quantization error in
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Equation 1.50 can be made smaller than unity, what increases the DR over that ideally
attainable with an Lth-order B-bit ��M.

Cascade ��Ms using trilevel (1.5-bit) quantizers [53] are also often employed, as they
yield a 3-dB reduction of the quantization error power compared to 1-bit quantization.
Although trilevel coding is not inherently linear, it is often used in fully-differential SC
��Ms, because highly linear trilevel DACs can be easily implemented using just one
extra switch [71].

1.7 Band-Pass �� Modulators

The operation principle of low-pass �� modulators (LP-��Ms)—in which the quan-
tization noise is high-pass shaped for its suppression around DC—can be extended to
the more general case of stop-band filtering of the quantization noise for its suppression
around a nonzero frequency in a so-called band-pass �� modulator (BP-��M) [72, 73].
A direct application of this band-pass approach can be found in the A/D conversion of
many wireless receiver systems, in which a BP-��M is used for the digitization of inter-
mediate frequency (IF) signals [18, 74].9 Although a broadband Nyquist-rate ADC could
a priori be an alternative to BP-��Ms for the digitization in IF-conversion receivers,
the bandwidth of IF signals is typically much smaller than the carrier frequency and
the reduction of the quantization noise over the entire Nyquist band thus becomes very
inefficient. Instead, if a BP-��M is used, the quantization noise is attenuated only in a
narrowband around the IF location, thus taking advantage of a high OSR to achieve high
DR requirements, even in the presence of strong interfering signals.

Figure 1.29 illustrates a typical block diagram of the IF-to-baseband section in a digital
receiver based on a BP-��M. As shown, the BP-��M contains a BP loop filter H(z)

for obtaining a stop-band NTF with zeros placed at a nonzero frequency, often referred
to as the notch frequency fn. The digital output of the modulator is mixed to DC by a
digital quadrature mixer and then LP filtered and decimated by a quadrature decimation
filter to remove out-of-band spectral components and quantization noise. The resulting
baseband digital data are finally processed in a DSP.10

Note that an LP-��M has its NTF zeros at or near z = 1 (which corresponds to DC),
whereas those of a BP-��M are placed elsewhere on the unit circle; that is, z = ej2πfn/fs

(which corresponds to fn, with 0 < fn < fs/2). As the NTF zeros occur in complex
conjugate pairs, realizing L zeros of the NTF in the passband of a BP-��M thus requires
a 2Lth-order BP loop filter. In other words, the shaping performed on the quantization
noise by a 2Lth-order BP-��M is equivalent to that performed by an Lth-order LP-��M.

9 The application of BP-��Ms has also been extended toward the direct digitization of radio frequency (RF)
signals. Although RF �� ADCs were initially implemented in SiGe processes [75, 76], they are already a reality
in CMOS technologies too [77, 78]. Details on this can be found in Section 5.3.7.
10 The IF-conversion of digital radios illustrated in Figure 1.29 can also be modified in such a way that the BP ��

ADC directly digitizes quadrature input signals, using a so-called quadrature BP-��M [79, 80]. In that case, the
quantization noise needs to be stop-band filtered only for positive (or negative) frequencies. Quadrature BP-��Ms
can thus be more efficient than conventional BP-��Ms, as no power is dedicated to digitize the negative-frequency
content of the input [18].
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Figure 1.29 Typical section of an IF-conversion receiver based on a BP �� ADC. For the sake
of illustration, the input IF frequency fIF is assumed to be fs/4 and a notch frequency fn = fs/4
is assumed in the BP-��M and in the quadrature digital mixer.

1.7.1 The z → −z2 LP–BP Transformation

A common design choice for the notch frequency of a BP-��M is fn = fs/4, because
this location optimizes the trade-off between antialiasing filtering and image-rejection
filtering in digital radio receivers [74]. It also helps to simplify the quadrature digital
mixer to baseband, as the general digital cosine and sine sequences (ej2πnfn/fs ) reduce
to a quadrature data series of +1s, 0s, and −1s, as illustrated in Figure 1.29. More
importantly, the NTF zeros of a so-called fs/4 BP-��M are placed at z = ±j , so that
the synthesis of the BP �� loop filter can be easily derived from an initial LP prototype
by applying the transformation

z − z2LP−BP−−−→
0−fs/4

(1.51)

which is often referred to as the z → −z2 LP–BP transformation of �� modulators.
This transformation is exemplary applied in Figure 1.30 to a second-order LP-��M

to obtain a fourth-order fs/4 BP-��M, in which the integrators are replaced by
resonators. The resulting BP architecture preserves all properties of its LP original
concerning dynamics, stability, resolution, etc. Indeed, it can be shown that the main
performance figures (IBN, SNR, DR, etc.) of fs/4 BP-��Ms have the same expressions
as the ones derived in previous sections for the LP case. For the sake of illustration, if
the z → −z2 transformation is applied to the NTF of an ideal Lth-order LP ��M in
Equation 1.21, that resulting for an ideal 2Lth-order BP ��M yields

NTF(z) = (1 + z−2)L (1.52)
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Figure 1.30 Illustration of the z → −z2 LP–BP transformation of ��Ms: (a) block diagram of
a second-order LP-��M, (b) block diagram of the resulting fourth-order fs/4 BP-��M, (c) zero-
pole plot of the NTF of the LP-��M, (d) zero-pole plot of the NTF of the BP-��M, (e) output
spectrum of the LP-��M (fin ≈ fs/128), and (f) output spectrum of the BP-��M (fin ≈ fs/4).

By integrating the shaped quantization noise over the signal band, the resulting IBN is
obtained to be

IBN =
fn+ Bw

2∫
fn− Bw

2

SE(f )|NTF(f )|2df ≈ �2

12

π2L

(2L + 1)OSR(2L+1)
(1.53)

so that the expression equals that of the LP case in Equation 1.12.



Introduction to �� Modulators: Basic Concepts and Fundamentals 39

However, centering the signal passband at fs/4 has some disadvantages. On the one
hand, in the presence of nonlinearities in the analog circuitry of the ��M, any intermod-
ulation distortion products resulting from the mixing of tones at fs/2 with the input signal
will fall inside the modulator passband and will thus corrupt the signal information. On
the other, for a given input IF, the clock rate demands are more restrictive than placing
fn between fs/4 and fs/2.11

1.7.2 BP-��Ms with Optimized NTF

In practice, the z → −z2 transformation was commonly used, but many more custom-
designed loop filters are nowadays reported, in which the synthesis of the optimized STF
and NTF is directly addressed through the proper placement of their poles and zeros
[82–84]—this is especially the case if the loop filter has to show special characteristics,
such as adjacent-channel suppression or partial mixing inside the ��M [16, 22, 23]. In
this respect, BP-��Ms exhibit the same architectural variety as LP-��Ms and the trade-
offs between the different structures are also essentially the same [18]. BP modulators can
be implemented using either single-loop or cascade topologies, with a similar trade-off
between improved stability and increased sensitivity to noise leakages due to nonidealities
in the analog circuitry. Similarly, the loop filter of BP-��Ms can be implemented using
any of the topologies commonly employed for LP-��Ms, such as the feedback, feed-
forward, and hybrid topologies shown in Figures 1.18, 1.19, and 1.20, respectively.

Figure 1.31 shows two architectural alternatives for the implementation of a fourth-
order BP-��M, which allow the optimization of both STF and NTF. The BP architecture
in Figure 1.31a is based on the LP-��M with distributed feedback in Figure 1.18,
whereas that in Figure 1.31b is based on the LP-��M with feed-forward summation
in Figure1.19. Both band-pass topologies include input feed forward for eliminating the
input-signal content from the loop filter and thus relaxing the requirements of the analog
circuitry [29]. In addition, if designed properly, input feed forward flattens the STF to
a constant without any peaking, what prevents undesirable amplification of out-of-band
interferers [18].

Note from Figure 1.31 that the BP loop filters are obtained by shifting the poles from
DC to nonzero frequencies by adding internal feedback paths (coefficients gi) in the initial
LP topologies. Figure 1.32a depicts the lossless discrete integrator (LDI) loop that builds
the resonator,12 which may be implemented using SC techniques as shown in Figure 1.32b.

11 The z → −z2 transformation also offers the possibility of centering the IF input at 3fs/4 [81] instead of fs/4,
given that the spectrum is symmetrical with respect to fs/2. Making fIF = 3fs/4 preserves the requirements of
the AAF compared to the fIF = fs/4 case, but the image-rejection filter specifications can be relaxed. In addition,
it allows for either the clock rate to be reduced to 1/3 or the signal processing to be three times faster. The only
disadvantage is that OSR is reduced by a factor of 3.
12 Note that one of the DT integrators has a z−1 delay in the numerator, whereas the other does not. A slightly less
effective resonator would be implemented if both integrators had a z−1 delay, as the poles would be moved on a
vertical line from the (1, j0) point away from the real axis and would not exhibit infinite gain at the resonance
frequency [4].
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Figure 1.31 Illustration of fourth-order BP �� topologies that allow the NTF optimiza-
tion: (a) cascade of resonators with feedback and (b) cascade of resonators with feed-forward
summation.

The transfer function of the LDI resonator is given by

RTF(z) = z−1

1 − (2 − g)z−1 + z−2
(1.54)

so that the poles are zp = (1 − g/2) ± j
√

1 − (1 − g/2)2. Note that, for 0 < g < 4, the
poles of RTF lie on the unit circle, and thus the quality factor Q of the resonator is ideally
infinite.13 The resonant frequency of a resonator corresponds to a notch in the NTF of
the BP-��M at a frequency

2πfn

fs
= cos−1

(
1 − g

2

)
(1.55)

13 The resonator Q is limited in practice by the finite DC gain of the amplifiers. However, finite resonator Q is
not usually a limiting nonideality, as Q > 100 is easily achieved.
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Figure 1.32 Illustration of an LDI resonator: (a) block diagram and (b) SC implementation. Only
half of the differential circuit is explicitly shown for the sake of simplicity.

which can thus be placed at any arbitrary position from 0 to fs/2 depending on the value
of g—which is determined in an SC implementation by a capacitor ratio (Figure 1.32b).

Therefore, the center frequency of a BP-��M can be made programmable by changing
the resonant frequency of its resonators [85]—for example, by using programmable banks
of capacitors for the SC implementation of coefficients gi. This feature is commonly
exploited in digital radios, as the same programmable BP-��M can be used for the
digitization of different IF frequencies.14

1.8 Continuous-Time �� Modulators

The majority of ��Ms reported up to recent years were implemented using DT circuit
techniques, mostly based on SC circuits. However, the increasing demand for ever faster
ADCs in broadband communication systems has raised the interest in CT-��Ms over
the past years, as they are able to operate at higher sampling rates with lower power
consumption than their DT counterparts [16, 20, 75].

14 However, this approach is only suitable when varying the modulator passband over a narrow frequency range.
To maintain stability and SNR over a wide programmability range, other parameters such as the NTF poles, the
STF, and the resonator signal swings need to be controlled in addition to the resonant frequencies by programming
more modulator coefficients. In [86], this is done using SC techniques.
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Figure 1.33 illustrates the general block diagram of a CT-��M for the case of LP
input signals. To facilitate the direct comparison with DT implementations, the same
partitioning as in Figure 1.7 has been adopted.

Looking at both figures, several differences are clearly visible between DT- and CT-
��Ms. The most significant one is related to the location of the sampling operation,
which moves from the modulator input in DT-��Ms to the point before the quantizer in
CT-��Ms. The loop filter can thus be realized using CT circuit techniques, but, given that
the modulator output is a DT signal and the modulator input is a CT signal, a discrete-to-
continuous time (DT–CT) transformation is required in CT-��Ms to create the feedback
signal. This can be better visualized comparing the signal processing involved in the block
diagrams in Figures 1.34a and 1.34b.

The reconstruction of the modulator output signal is very critical in CT-��Ms and has
a significant impact on the overall modulator behavior [87]. There are a number of DAC
waveforms that can be used in CT-��Ms. Figure 1.35 shows a summary of the most
representative possibilities, including the nomenclature used for the feedback waveforms

xa(t) x(t) y(n) yd(n)

H(s) S/H ADC

DAC
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Figure 1.33 General block diagram of a continuous-time �� ADC. A low-pass ��M is assumed.
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Figure 1.34 Conceptual block diagrams of ��Ms: (a) DT modulator, (b) CT modulator,
(c) open-loop representation of a DT-��M, and (d) open-loop representation of a CT-��M.
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extracted from [20]. Among others, the most commonly used DACs incorporate rectan-
gular feedback pulses of basically three types: nonreturn-to-zero (NRZ) (Figure 1.35a),
return-to-zero (RZ) (Figure 1.35b), and half-delay return-to-zero (HRZ) (Figure 1.35c).
The DAC impulse response of these rectangular pulses can thus be globally expressed as

rDAC(t) = r(α,β)(t) =
{

1, αTs ≤ t < βTs

0, otherwise
(1.56)

where (α, β) equals (0, 1), (0, 1/2), and (1/2, 1) for NRZ, RZ, and HRZ DACs, respec-
tively. Their Laplace S-transforms can also be generally written as

RDAC(s) = e−sαTs − e−sβTs

s
(1.57)

Although they combine DT and CT signals, modulators fitting into the architecture in
Figure 1.34b are generically considered as CT-��Ms. Owing to the combination of both
types of dynamics, together with the intrinsic nonlinearity associated to quantization,
the mathematical analysis of CT-��Ms becomes more difficult than in the case of
DT-��Ms [16, 20, 75, 84, 87]. However, they present several pros compared to
DT-��Ms, such as15

• An explicit AAF can be avoided (Figure 1.33). As the sampling operation takes place
before the quantizer, the resulting STF is affected by a sinc(πf/fs) function [24]. This
sinc characteristic attenuates the signal spectrum exactly at multiples of the sampling
frequency and thus leads to an implicit AAF in CT-��Ms.

15 CT-��Ms also present several cons compared to DT-��Ms, such as larger errors in the practical realization
of the modulator coefficients, larger sensitivity to jitter, to loop delay, etc., which will be discussed in Chapter 2.
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• Errors associated to the sampling process have less impact on the modulator perfor-
mance. As the sampling operation takes place before the quantizer, the resulting errors
attenuate in a similar way as the quantization error does.

• There is no settling error associated to the loop filter circuitry. As will be shown in
Chapter 2, signals in DT circuits must settle to their steady-state values within a given
accuracy, because complete settling would require infinite time.

• The operation speed is larger. This is inherent to the operation of CT circuits, in which
the circuit dynamics is not a parasitic such as in DT circuits, but a design primitive.

• They are not affected by kT/C noise as SC-��Ms do.

1.8.1 DT–CT Transformation of ��Ms

In the past, most work on ��Ms was focused on DT implementations, and great collec-
tive effort was made to develop innovative architectures, accurate models, and design and
simulation CAD tools for DT-��Ms. Therefore, a straightforward procedure for design-
ing CT-��Ms comes from considering an equivalent DT loop filter as a starting point,
designing the DT-��M to meet the required performance, and then applying a DT–CT
transformation.

The Impulse-Invariant Transformation

Let us consider again the block diagram of DT- and CT-��Ms in Figures 1.34a and b,
respectively, and the signal processing involved. The underlying principle of the DT–CT
transformation consists in achieving the equivalence of both modulators by imposing that
the input of the quantizers are the same at the sampling instants; that is,

q(n) = q(t)|t=nTs
(1.58)

If this condition is met, the output bitstreams of both modulators and the noise perfor-
mance would thus be identical. As illustrated in Figures 1.34c and d, the condition in
Equation 1.58 can be translated into an equivalence of the input–output signal processing
that is performed in both ��Ms in open-loop configuration, which yields

Z−1{H(z)} = L−1{RDAC(s)H(s)}|t=nTs
(1.59)

where Z−1{•} and L−1{•} stand for the inverse Z- and L-transform operators, respectively,
and RDAC stands for the CT transfer function of the DAC (see Equation 1.57 for the case
of rectangular waveforms). In the time domain, this leads to the condition

h(n) = [rDAC(t) ∗ h(t)]|t=nTs
=

+∞∫
−∞

rDAC(τ)h(t − τ)dτ|t=nTs
(1.60)

where ∗ stands for the convolution operator and rDAC(t) stands for the impulse response of
the specific DAC (Equation 1.56 for rectangular waveforms). This transformation between
DT and CT domain is known as the invariant-impulse transformation (IIT), because it
makes the open-loop impulse responses of both ��Ms equal at the sampling instants.
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Table 1.3 CT equivalents of first-order to fourth-order DT low-pass loop filter
poles for the rectangular feedback DAC pulses defined in equation 1.56 [20]

Z -Domain S -Domain Equivalents with f s(Hz) = 1/T s

1

z − 1

ω0

s
, ω0 = fs

β − α

1

(z − 1)2

ω1s + ω0

s2
, ω0 = f 2

s

β − α
, ω1 = fs(α + β − 2)

2(β − α)

1

(z − 1)3

ω2s
2 + ω1s + ω0

s3
, ω0 = f 3

s

β − α
, ω1 = f 2

s (α + β − 3)

2(β − α)
,

ω2 = fs[β(β − 9) + α(α − 9) + 4αβ + 12]

12(β − α)

1

(z − 1)4

ω3s
3 + ω2s

2 + ω1s + ω0

s4
, ω0 = f 4

s

β − α
, ω1 = f 3

s (α + β − 4)

2(β − α)
,

ω2 = f 2
s [(β − α)2 + 2αβ − 12(α + β) + 22]

12(β − α)
,

ω3 = fs[β
2(α − 2) + α2(β − 2) − 8αβ + 11(α + β) − 12]

12(β − α)

On the basis of the IIT in Equation 1.59, the most usual procedure to design CT-
��Ms consists of: first, matching the equivalent filter H(z) with a reference DT loop
filter chosen to fulfill the specifications; then, solving for the coefficients of the CT loop
filter H(s) with the specific DAC response considered; and, finally, implementing H(s)

with CT techniques, usually based on Gm-C or active-RC techniques.16 In theory, any
arbitrary ��M topology, either single-loop or cascade, can be synthesized this way.

The information compiled in Tables 1.3 and 1.4 for the equivalence of LP loop filter
poles at DC (z = 1, s = 0) in DT and CT domains is useful in such a methodology [20].
For general poles, the original table in [88] can be employed, which can also be useful
for the design of BP CT-��Ms. Finally, the use of these tables of equivalent poles is
easy and can also be automated and, moreover, extended to other DAC impulse responses
different from the rectangular waveforms, as done in [20].

DT–CT Transformation of a Second-Order ��M

For the sake of illustration, Figure 1.36 shows a second-order CT-��M obtained using
such a method from its DT equivalent in Figure 1.14a. Note from the former figure that
the DT integrators—with transfer function given by Equation 1.16—are transformed into

16 Careful choice of the CT filter structure is needed to have sufficient degrees of freedom to implement the
reference DT loop filter [84].
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Table 1.4 DT Equivalents of first-order to fourth-order CT low-pass
loop filter poles for the rectangular feedback DAC pulses defined in
equation 1.56 [20]

S -Domain Z -Domain Equivalents with f s(Hz) = 1/T s

fs

s

ω0

z − 1
, ω0 = β − α

f 2
s

s2

ω1z + ω0

(z − 1)2
, ω0 = (β2 − α2)

2
, ω1 = [β(1 − β) − α(1 − α)]

2

f 3
s

s3

ω2z
2 + ω1z + ω0

(z − 1)3
, ω0 = (β3 − α3)

6
,

ω1 = − (β3 − α3)

3
+ (β2 − α2)

2
+ (β − α)

2
,

ω2 = − (β3 − α3)

6
− (β2 − α2)

2
+ (β − α)

2

f 4
s

s4

ω3z
3 + ω2z

2 + ω1z + ω0

(z − 1)4
, ω0 = (β4 − α4)

24
,

ω1 = − (β4 − α4)

8
+ (β3 − α3)

6
+ (β2 − α2)

4
+ (β − α)

6
,

ω2 = (β4 − α4)

8
− (β3 − α3)

3
+ 2(β − α)

3
,

ω3 = − (β4 − α4)

24
+ (β3 − α3)

6
− (β2 − α2)

4
+ (β − α)

6

CT integrators with unscaled transfer functions given by

ITF(s) = 1

sTs
= fs

s
(1.61)

and that the scaling coefficients ki of the CT-��M are associated to the feedback paths
[20]. This notation has been adopted because it can easily account for some nonidealities in
the loop filter, as will be shown in Chapter 2. Note from Figure 1.36 that the discrimination
of the signal scaling coefficient ksig and the first feedback scaling coefficient k1 accounts
for changing feedback coefficients when adopting DAC feedback pulses different from the
rectangular NRZ [20]. Therefore, the input scaling coefficient remains equally constant
to k1,NRZ regardless of the particular feedback waveform that is used.



Introduction to �� Modulators: Basic Concepts and Fundamentals 47

fs =
1
Ts

X Yksig

ksig = k1,NRZ
k1 k2

1

sTs

1

sTs
ADC

DAC

Figure 1.36 Block diagram of a second-order CT-��M using the notation in [20].

The CT equivalent of the DT-��M in Figure 1.14a can be easily calculated by, on the
one hand, applying the IIT in Equation 1.59 to the DT loop filter

H(z) = − a1a2

(z − 1)2
− a2

z − 1
DT−CT−−−−→

NRZ
H(s) = −a1a2

f 2
s

s2
−

(
a2 − a1a2

2

) fs

s
(1.62)

where an NRZ rectangular waveform has been exemplary assumed in the feedback DAC
of the CT equivalent. To that purpose, rows 1 and 2 of Table 1.3 have been adopted con-
sidering (α, β) = (0, 1). On the other hand, the CT loop filter in Figure 1.36 is obtained as

H(s) = −k1
f 2

s

s2
− k2

fs

s
(1.63)

Equating the CT coefficients in Equations 1.62 and 1.63 results in the following relations
between the coefficients of the second-order DT-��M and the CT coefficients for the
case of an NRZ DAC:

k1,NRZ = a1a2

k2,NRZ = a2 − a1a2

2

(1.64)

The DT scaling coefficients (a1, a2) = (0.5, 0.5) typically used—see Table 1.1 and
optimal coefficients reported in [8]—thus result in k1,NRZ = 0.25 and k2,NRZ = 0.375.

For the sake of illustration, Figure 1.37 shows a possible implementation of the resulting
CT-��M using active-RC integrators. Note that the corner frequency ωI of an active-RC
integrator is determined by the value of 1/(RC ), so that the scaling coefficients of the
CT-��M yield [20]:

ITFi(s) = ωIi

s
= ki

fs

s
= 1

sRC
⇒ kifs = ωIi = 1

RC
(1.65)

For the second-order CT-��M in Figures 1.36 and 1.37, the relations to be fulfilled for
the correct implementation of the modulator coefficients are thus

Rin1CI1 = 1
ksigfs

, RDAC1CI1 = 1
k1fs

Rin2CI2 = 1
fs

, RDAC2CI2 = 1
k2fs

(1.66)
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Figure 1.37 Active-RC implementation of a second-order CT-��M with a single-bit NRZ DAC.

which, for the particular case of NRZ DAC considered, yield

Rin1 = RDAC1, RDAC1CI1 = 1

0.25fs

Rin2 = 0.375RDAC2, RDAC2CI2 = 1

0.375fs

(1.67)

1.8.2 Direct Synthesis of CT-��Ms

The main problem of using the DT–CT transformation method given earlier is that it
may yield an increase of complexity in the analog circuitry, with the subsequent penalty
in sensitivity to variations on the technological process parameters. This is particularly
critical in the case of CT cascades, where, to get a functional modulator while keeping
the digital cancelation logic of the original DT-��M, every integrator and DAC output
must be connected to the integrator input of later stages [20].

An alternative method for designing the CT loop filter directly uses the desired NTF(f )

as a starting point, just in the same way as described in Section 1.4.2 for synthesizing
optimized NTFs in the DT case. This synthesis method is often referred to as direct
CT synthesis method. Usually, an inverse Chebyshev distribution of the NTF(f ) zeros
is considered because it has advantages in terms of SNR and stability. Once the desired
NTF(f ) has been chosen, the loop filter can be derived from the linearized model [16].

It can be shown that applying the direct synthesis method to cascade CT-��Ms, more
efficient architectures are obtained in terms of loop filter optimization, analog circuitry
complexity, power consumption, and robustness to circuit element tolerance errors [89].
However, there are two major drawbacks to this method: first, previous knowledge of
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DT-��Ms is not reused, which raises questions about stability; second, simulations are
harder due to the fact that every simulation has to be done in CT.

1.9 Summary

This chapter has presented an introduction to �� ADCs. The benefits of employing
oversampling and quantization noise shaping in the digitization of signals have been
analyzed and compared to the performance of Nyquist-rate ADCs. Among the several
blocks that build up an �� ADC, the chapter has focused on the �� modulator. Its
general topology, ideal operation, and performance metrics have been presented.

The existing methods for increasing the effective resolution of an �� modulator have
been discussed, presenting practical ways to implement stable high-order noise shaping
topologies and to resort to multibit quantization. The DT and CT implementation of
�� modulators have been addressed, as well as their application to convert LP or BP
signals. The implications of these different alternatives at the architectural and circuit
levels have been presented in an incremental way, starting from the initial case of DT, LP
single-bit modulators.

These basic concepts have been discussed mainly considering the quantization noise
as the only source of error limiting the resolution of an �� modulator. The effect of
nonidealities associated with the practical circuit implementation of the modulator blocks
will be analyzed in Chapter 2.
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2
Circuits and Errors: Systematic
Analysis and Practical
Design Issues
As discussed in Chapter 1, ADCs based on �� modulation offer key advantages for
their practical implementation in present-day CMOS processes compared with other data-
conversion techniques. Unlike Nyquist-rate converters, which require high precision in
their building blocks to achieve overall high accuracy, oversampling and quantization
noise shaping allow to trade speed for accuracy. In this way, an operation that can be
made relatively insensitive to imperfections on the analog circuit can be obtained at the
cost of increased complexity and speed in the associated digital circuitry [1].

The principles of �� modulation were presented in the previous chapter and alternative
��M topologies (single-loop and cascades) and implementation techniques (DT and
CT) were presented. However, the achievable performance of different alternatives was
mainly addressed taking only quantization error into account. Besides this error—which
is inherent to any analog-to-digital conversion technique—only the effect of DAC errors
was considered to compare the performance of single-bit and multibit ��Ms at the
architectural level.

This chapter analyzes the main nonideal mechanisms affecting the performance of both
SC and CT ��Ms. Although it is commonly accepted that �� ADCs are less sensitive
to nonidealities in the analog circuitry than other conversion techniques, their impact
will be larger the more demanding the ADC specifications. Therefore, the influence of
these errors on the modulator performance must be carefully considered during early
design phases. However, this chapter is not intended to be an exhaustive description of
all nonideal effects, but a practical description of the main ones. The aim is to provide
sufficient insight on the problem and to present analytical procedures that can be applied
to other error mechanisms.

The first part of the chapter is devoted to circuit errors with large influence on the behav-
ior of SC-��Ms, such as integrator leakage, capacitor mismatch, settling errors, and kT/C

noise. The second part of this chapter covers the dominant circuit errors in CT-��Ms,
especially clock jitter, excess loop delay, and time-constant errors. The main sources
of distortion in both types of ��Ms are also discussed. System-level considerations,

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.
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behavioral models, and closed-form expressions are obtained for the influence of each
nonideality. From them, estimable guidelines for the design of ��Ms can be extracted.
These are put into practice in a case study at the end of this chapter.

2.1 Nonidealities in Switched-Capacitor �� Modulators

There are a number of circuit nonidealities and nonlinearities that degrade the perfor-
mance of the analog modulator blocks. The way in which these nonidealities affect the
performance of ��Ms depends on many different factors, among others: the nature of the
error itself, the influence of the specific circuit, its effect on the modulator noise transfer
function, etc.

In the case of SC implementations, the main nonideal effects can be grouped as illus-
trated in Figure 2.1 according to the ��M circuit they affect as:

• Amplifiers: output swing, finite gain, dynamic limitations, and circuit noise.
• Switches: on-resistance, thermal noise, charge injection, and clock feedthrough.
• Capacitors: mismatch and nonlinearity.
• Multibit ADCs and DACs: offset, gain error, and nonlinearity.
• Clock: jitter.

The influence of nonidealities on the performance of ��Ms strongly depends on the
location of the corresponding noise source in the modulator. According to these criteria,
the above errors can be classified into two main families:

• Errors that modify the modulator NTF such as the finite amplifier gain and gain-
bandwidth product and capacitor mismatch. Their effect strongly depends on the mod-
ulator topology. For instance, cascade ��Ms are more sensitive to capacitor mismatch
and finite amplifier gain than single-loop architectures. The same applies for low-pass
��Ms with optimized zeros and band-pass ��Ms with local feedback.

Nonidealities in SC-ΣΔMs

Amplifiers Switches Capacitors Comparators ClockMultibit
ADCs & DACs

Output swing

Finite gain

Dynamic limitations

Circuit noise

Gain nonlinearity

On-resistance

Thermal noise

Mismatch

Nonlinearity

Hysteresis

Offset

Gain error Jitter

Offset error

NonlinearityCharge injection

Clock feedthrough

Nonlinearity

Figure 2.1 Main nonidealities affecting the performance of switched-capacitor ��Ms.
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• Errors that can be modeled as additive noise sources at the modulator input and,
hence, are not in-band attenuated by the noise shaping. Their effect is thus independent
of the modulator topology. Among other, some errors belonging to this family are clock
jitter, circuit noise, and distortion caused by circuit nonlinearities.

In the case of those nonideal effects affecting the modulator NTF, the procedure that
is commonly used to analyze their impact on the modulator performance is [2, 3]:

• Obtaining an integrator equivalent circuit taking into account the nonideal effect under
study.

• Analyzing the impact of the nonideality on the integrator transfer function ITF(z), such
that ITF(z) → ITFε(z), with ε being the error vector including all nonideal parameters
involved in the integrator circuit equivalent obtained in the previous step.

• To compute the effect of ε on a ��M, the integrator transfer functions are replaced
with ITFε(z) and a linear quantizer model is considered to obtain the nonideal NTFε(z).

• The nonideal NTF is integrated within the signal band to obtain the degraded in-band
noise power IBN(ε). Usually, some approximations are required to obtain closed-form
expressions for IBN(ε) as a function of ε.

This procedure is applied to low-pass SC-��Ms throughout this section, although it
can be easily generalized to band-pass SC-��Ms—working on the resonator transfer
functions RTF(z)—and to CT-��Ms as well—working on S-domain.

For the sake of exemplification, single-loop ��Ms with distributed feedback (see
Section 1.4.2) and �� cascades are considered (see Section 1.5). For these modula-
tor topologies, optimal coefficients for second-, third-, and fourth-order ��Ms can be
found in [4] for the single-bit case and in [5] for the multibit case.

Wherever behavioral simulation results are presented throughout this section corre-
sponding to single-bit single-loop implementations, the following modulator coefficients
have been used for the distributed feedback topologies (Figure 1.18):

• (a1, a2) = (0.5, 0.5) for the second-order ��M (SL2 for short)
• (a1, a2, a3) = (0.2, 0.5, 0.5) for the third-order ��M (SL3 for short)
• (a1, a2, a3, a4) = (0.2, 0.2, 0.5, 0.5) for the fourth-order ��M (SL4 for short)

For single-bit cascade ��Ms, their performance is often exemplified throughout this
section with behavioral simulation results on a 2-1-1 ��M (Figure 1.22), with the fol-
lowing coefficients:

• (a1, a2, a3, a4, b1, c1, b2, c2) = (0.5, 0.5, 0.5, 0.5, 2, 0.5, 1, 1)

2.2 Finite Amplifier Gain in SC-��Ms

In Chapter 1, the ideal performance of the different low-pass SC-��Ms presented was
derived considering the ideal transfer function of an ideal SC FE integrator:

ITF(z) = z−1

1 − z−1
(2.1)
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Figure 2.2 SC FE integrator with Ni input paths and finite amplifier gain Av.

If the finite amplifier gain Av and the parasitic capacitor CP at the amplifier summing
node is accounted for in the charge transfer of an SC FE integrator, as shown in Figure 2.2,
its difference equation can be written as [3]:

vo(nTs) =
1 +

(
1 + CP

CI

)
1

Av

1 +
(

1 + CP
CI

+ ∑Ni
i=1

CSi
CI

)
1

Av

vo[(n − 1)Ts]

+
∑Ni

i=1
CSi
CI

vi[(n − 1)Ts]

1 +
(

1 + CP
CI

+ ∑Ni
i=1

CSi
CI

)
1

Av

(2.2)

Transforming Equation 2.2 to the Z-domain and identifying terms as in the following
expression,

vo(z) = ITFAv
(z)

[
Ni∑
i=1

CSi

CI
vi(z)

]
(2.3)

the transfer function of the integrator when affected by finite amplifier gain—that is, the
transfer function of a leaky integrator—yields:

ITFAv
(z) = 1

1 +
(

1 + CP
CI

+ ∑Ni
i=1

CSi
CI

)
1

Av

z−1

1 − z−1

[
1+

(
1+ CP

CI

)
1

Av

1+
(

1+ CP
CI

+∑Ni
i=1

CSi
CI

)
1

Av

] (2.4)

Therefore, when compared with the ideal case in Equation 2.1, amplifier finite gain intro-
duces a gain error in the ITF and a shift of its pole from its ideal position at DC (z = 1).
Neglecting the gain error and noting that

∑Ni
i=1

CSi
CI

= ∑Ni
i=1 gi, Equation 2.4 can be approx-

imated to a more handy expression as:

ITFAv
(z) ≈ z−1

1 − z−1

(
1 −

∑Ni
i=1 gi
Av

) (2.5)
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Figure 2.3 Degradation of the noise shaping of a second-order SC-��M with finite amplifier
gain.

Let us exemplarily consider the effect of the modified ITF on the second-order
DT-��M in Figure 1.15b. Assuming that

∑Ni
i=1 gi ∼ 1 for the two integrators in the

modulator, the NTF affected by finite amplifier gain can be easily derived [3]. Given that
the poles of the ITFs become the zeros of the NTF, both zeros of NTF move away from
DC as the amplifier gain decreases. Figure 2.3 depicts the PSD of quantization error
that is obtained for several values of Av and illustrates the degradation of the modulator
noise shaping. The following approximated expression can be derived for the in-band
noise when integrator leakage is accounted for [3]:

IBN2(Av) ≈ �2

12

1

(kqa1a2)
2

(
1

Av
4OSR

+ 2π2

3Av
2OSR3 + π4

5OSR5

)
(2.6)

Note that the DC gain of the amplifiers should be in the range of the oversampling
ratio (Av ≈ OSR) in order to keep every term in Equation 2.6 proportional to OSR−5

and retain the ideal noise shaping. For usual values of the oversampling ratio and the
amplifier DC gain, this equation can be further simplified to:

IBN2(Av) ≈ �2

12

1

(kqa1a2)
2

(
2π2

3Av
2OSR3 + π4

5OSR5

)
(2.7)

A similar procedure can be followed to derive the modified NTF of Lth-order loops
affected by integrator leakage and thus calculate the increased in-band noise. For an Lth-
order SC-��M with distributed feedback, the in-band noise can be obtained as follows [3],

IBNL(Av) ≈ �2

12

1

(kq

∏L

i=1 ai)
2

[
1

Av
2LOSR

+
L−1∑
i=1

L(L − 1) · · · (L − i + 1)π2i

i!(2i + 1)Av
2(L−i)OSR(2i+1)

+ π2L

(2L + 1)OSR2L+1

] (2.8)
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where again the amplifier DC gains must be in the range of the oversampling (Av ≈ OSR)
to keep every term in Equation 2.8 proportional to OSR−(2L+1) and retain the ideal Lth-
order noise shaping. The expression above can usually be further simplified to [3]:

IBNL(Av) ≈ �2

12

1

(kq

∏L

i=1 ai)
2

[
Lπ2(L−1)

(2L − 1)Av
2OSR(2L−1)

+ π2L

(2L + 1)OSR2L+1

]
(2.9)

Integrator leakages can be foreseen to have a stronger impact on cascade ��Ms, as
the degradation of the ITF filtering leads to a modification of the cascaded loop filters (in
the analog side) that is not compensated for by the cancelation logic (DCL in the digital
side)—see Figure 1.21. This imbalance will cause quantization errors of all the cascaded
stages to appear at the modulator output.

For the particular case of a 2-1-1 DT cascade as that illustrated in Figure 1.22, the IBN
when integrator leakage is accounted for can be obtained as [3]:

IBN211(Av) ≈ �2
1

12

1

(kqa1a2)
2

4π2

3A2
vOSR3 + �2

2

12

1

c2
1

π4

5A2
vOSR5

+ �2
3

12

1

(c1c2)
2

(
π6

7A2
vOSR7 + π8

9OSR9

) (2.10)

Note that the amplifier DC gain required to retain the ideal noise shaping increases while
moving from the back-end to the front-end stages of the cascade. Therefore, for the third-
stage amplifier Av ≈ OSR is sufficient, but for the second-stage amplifier Av ≈ OSR2 and
for the first-stage amplifiers Av ≈ OSR3. Note also that, in case multibit quantization of
B bits is employed in the last stage of the cascade, these requirements further increase
by a factor (2B − 1)2.

A detailed analysis of the effect of integrator leakage on the IBN of generic cascade
SC-��Ms can be found in [3], as well as of particular cascade configurations. For an
Lth-order N-stage cascade DT-��M as that illustrated in Figure 1.21, the IBN considering
integrator leakages yields [3],

IBNcasc(Av) ≈ �2
1

12

1

(kq

∏L1
i=1 ai)

2

α1π
2(L1−1)

(2L1 − 1)A2
vOSR2L1−1

+ �2
2

12

1

c2
1

α2π
2(L1+L2−1)

[2(L1 + L2) − 1]A2
vOSR2(L1+L2)−1

+ · · · + �2
N

12

1∏N−1
i=1 ci

2

[
αNπ2(L−1)

(2L − 1)A2
vOSR2L−1 + π2L

(2L + 1)OSR2L+1

]
(2.11)

where Li corresponds to the order of the ith stage in the cascade and the value of
coefficients αi depends on Li.

Figure 2.4 shows the effect of the finite DC gain of amplifiers on single-loop and cascade
SC-��Ms, exemplarily illustrated for second-, third-, and fourth-order single-loops and
for a 2-1-1 cascade. In all cases, the in-band noise is computed from the modulator
NTF using the nonapproximated ITF in Equation 2.4, as well as from the approximated
closed-form expressions in Equations 2.9 and 2.10. Note that both results are in good
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Figure 2.4 Influence of finite amplifier gain on the in-band noise of SC-��Ms: (a) second- and
third-order loops and (b) 2-1-1 cascade and fourth-order loop. Approximated results have been
obtained from Equations 2.9 and 2.10.

accordance. Note also that the larger sensitivity of cascade ��Ms to integrator leakages
is evident from Figure 2.4b.

2.3 Capacitor Mismatch in SC-��Ms

As illustrated in Figure 1.16, in SC-��Ms integrator gain coefficients gi are implemented
as capacitor ratios CSi/CI and the implemented values will thus deviate from the nominal
ones due to variations in technological process parameters. For the case of a particular
gain coefficient g that is implemented as the ratio of m to n unit capacitors Cu, the actual
implemented coefficient gε will exhibit an error εg that can be estimated as [3],

gε = g(1 ± εg)

g = CS
CI

= mCu
nCu

⎫⎬
⎭ ⇒ εg = 3

σg

g
= 3

√
1

m
+ 1

n

σCu

Cu
≤ 3

√
2σC (2.12)

where the integrator gain error is estimated in the worst case as three times its relative
standard deviation, which can itself be related to the relative standard deviation of the unit
capacitor used—or σC for short. Note that the estimation for εg in Equation 2.12 should
be divided by

√
2 in fully-differential SC integrators.

Nowadays, SC-��Ms are mostly implemented in mixed-mode technological processes
that include precise capacitor primitives, such as MiM or MoM capacitors, with a mis-
match typically lower than 0.1%. This means that integrator gain errors in SC-��Ms will
normally be lower than 0.3%—or even less in case a large number of unit capacitors and
common-centroid layout techniques are used for implementing the coefficients.

These small deviations of the integrator coefficients due to capacitor mismatch can
be foreseen to have little impact on the in-band noise of single-loop ��Ms, as the
filtering provided by the integrators remains unchanged. Indeed, if integrator gain errors
are accounted for, the IBN of an Lth-order SC-��M with distributed feedback can be
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estimated as,

IBNL(εg) ≈ �2

12

1

(kq

∏L

i=1 ai)
2

π2L

(2L + 1)OSR2L+1

L∏
i=1

(1 + εgi)
2 (2.13)

where εgi refers to the gain error of the ith integrator, which can be estimated in the
worst case as 3σC. Note from Equation 2.13 that, for the IBN of second-order ��M to
increase in 3 dB, integrator gain errors should be as large as 20%—too large indeed to be
considered as an actual mismatch!

Conversely, capacitor mismatch has a strong impact on cascade ��Ms, as the deviation
of the integrator gains is not compensated for by the digital coefficients of the DCL.
Therefore, quantization errors of the cascaded stages will leak to the modulator output
with low-order shapings, considerably increasing the modulator IBN.

For the general case of an Lth-order N-stage cascade SC-��M, the IBN if integrator
gain errors are taken into account can be approximated to [3],

IBNcasc(εg) ≈ �2
1

12
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∏L1
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π2L1
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εgi

⎞
⎠

2

(2.14)

whereas, for the particular case of a 2-1-1 cascade, the former equation yields [3]:

IBN211(εg) ≈ �2
1

12

1

(kqa1a2)
2

π4

5OSR5 (εg1 + εg2)
2 + �2

2

12

1

c2
1

π6

7OSR7 ε2
g3

+ �2
3

12

1

(c1c2)
2

π8

9OSR9 (1 + εg4)
2

(2.15)

Note that similarly to what happened in Section 2.2 for the case of amplifier DC gain—the
requirements on the integrator gain error for retaining the ideal noise shaping get more
stringent as we move from the back-end to the front-end stages. Thus, for the integrator in
the second stage of the cascade εg3 ≈ OSR−1 is sufficient, but for the first-stage integra-
tors εg1, εg2 ≈ OSR−2. Note also that, in case multibit quantization of B bits is employed
in the last stage of the cascade, these requirements again increase by a factor (2B − 1)2.

Figure 2.5 illustrates this increasing impact of capacitor mismatch with OSR and with
the stage of the cascade being considered. Note that results displayed correspond to
worst-case estimations of the IBN based on Equation 2.15 with εgi = 3σC. More accurate
estimations would require Monte Carlo simulation of the modulator behavioral model
considering the particular implementation of each integrator gain coefficient in terms of
unit capacitors.
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Figure 2.5 Influence of capacitor mismatch on the in-band noise of a 2-1-1 SC-��M: (a) con-
sidering the same mismatch error in all integrators and (b) individual impact of the mismatch
error in each integrator for OSR = 32. Worst-case estimations of IBN considering εgi = 3σC in
Equation 2.15.

2.4 Integrator Settling Error in SC-��Ms

Speed limitations in SC integrators due to the limited dynamic response of amplifiers
cause errors in the charge transfer. The impact of the resulting error in the integrator
output voltage settling error on the modulator performance will be higher, the higher the
sampling frequency. As the clock frequency increases in SC-��Ms to cope with larger
conversion bandwidths, integrator settling error becomes one of the bottlenecks for their
practical implementation. On the one hand, the time slot for the integrator operation gets
reduced; on the other hand, the amplifier dynamic requirements must be minimized to
optimize the modulator power consumption. Therefore, an adequate understanding of the
mechanisms degrading the settling of SC integrators and an accurate quantification of the
generated errors become mandatory to obtain efficient �� designs.

2.4.1 Behavioral Model for the Integrator Settling

The behavioral model of the transient response for SC FE integrators included in this
section is based on the analysis presented in [6]. The model includes the effect of the
amplifier dynamic limitations, such as finite gain-bandwidth product (GB) and slew rate
(SR), on the charge transfer during both the integration and sampling phases. Also, para-
sitic capacitors associated with amplifiers and switches, as well as the capacitor load at the
integrator output—which changes from integration to sampling—are taken into account.
To accurately describe the dynamic performance and determine the integrator output volt-
age, the equivalent circuit shown in Figure 2.6 is solved in the behavioral model. In the
circuit scheme, the SC integrator under study is considered to have Ni input branches
and another SC integrator acting as a load—that is, the No input branches of the latter
are connected to the output of the former. On the other hand, the amplifier is modeled
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Figure 2.7 Amplifier single-pole model with limited output current.

as shown in Figure 2.7, with a single-pole dynamic (to account for the finite bandwidth)
and a nonlinear characteristic with maximum output current Io (to account for the limited
SR).1

The analysis of this model for the incomplete settling error begins with the computation
of the equivalent capacitive load at the amplifier output node during both the sampling

1 Note that Co in Figure 2.7 is merged with CL in Figure 2.6. Note also that ro is included in the amplifier model
in Figure 2.7 for completeness, but its effect is actually neglected in the analysis of the integrator dynamics in
Figure 2.6 under the assumption go � gm.
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(φ1) and integration (φ2) phases, respectively given by,

Ceq,φ1
= CP +

(
CL +

No∑
i=1

CSni

) (
1 + CP

CI

)

Ceq,φ2
= CP +

Ni∑
i=1

CSi + CL

(
1 + CP + ∑Ni

i=1 CSi

CI

) (2.16)

where CSi represents the sampling capacitor of the ith SC input branch of the integrator
under consideration, CSni is the sampling capacitor of the ith SC input branch of the load
integrator, CP is the parasitic capacitor at the summation node of the input SC branches,
and CL is the amplifier load capacitor.

The settling model is analyzed during a complete clock cycle (during both clock phases)
considering the different possibilities for the amplifier dynamic operation—that is, linearly
or in slew—and keeping track of the voltage at both the integrator output vo and the
amplifier summation node va. Therefore, the error in the integrator output voltage at the
end of one sampling-integration process can be accurately obtained.

Let va[(n − 1/2)Ts] and vo[(n − 1/2)Ts] be the respective amplifier input and output
voltages at the end of a preceding integration phase, which will serve as initial conditions
to derive of the integrator evolution during a complete clock cycle. The voltage at the
amplifier summation node at the end of the next sampling phase—that is, at t = nTs—,
can be accurately obtained as [6],

va(nTs) =

⎧⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎩

va0,φ1
e
− gm

Ceq,φ1

Ts
2 |va0,φ1

| ≤ Io
gm

Io
gm

sgn(va0,φ1
)e

− gm
Ceq,φ1

(
Ts
2 −to,φ1

)
|va0,φ1

| > Io
gm

, to,φ1
≤ Ts

2

va0,φ1
− Io

Ceq,φ1
sgn(va0,φ1

) Ts
2 |va0,φ1

| > Io
gm

, to,φ1
> Ts

2

(2.17)

where to,φ1
is the duration of the SR-limited integrator settling (relative to Ts/2) given by,

to,φ1
= Ceq,φ1

gm

(
gm|va0,φ1

|
Io

− 1

)
(2.18)

sgn() is the sign function, and va0,φ1
represents the value of va at the beginning of the

sampling phase, which can be computed as,

va0,φ1
= va[(n − 1/2)Ts] −

No∑
i=1

CSni

Ceq,φ1

{vo[(n − 1/2)Ts] − vCSni
[(n − 1/2)Ts]} (2.19)

where vCSni
is the voltage across capacitor CSni.

2

The integrator output voltage at the end of the sampling phase can be obtained as,

vo(nTs) = vo[(n − 1/2)Ts] +
(

1 + CP

CI

)
{va(nTs) − va[(n − 1/2)Ts]} (2.20)

as opposed to the ideal situation in which vo(nTs) = vo[(n − 1/2)Ts].

2 Note that the behavioral model requires keeping track of the summation node voltage of the loading integrator
van also, as vCSni

[(n − 1/2)Ts] = vni2[(n − 1/2)Ts] − van[(n − 1/2)Ts].
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Note from Equations 2.17 and 2.20 that, for the integrator model in Figure 2.6, the
amplifier gain-bandwidth product and output SR during sampling are obtained as:

GBφ1
(rad/s) = gm

Ceq,φ1

SRφ1
(V/s) =

(
1 + CP

CI

)
Io

Ceq,φ1

(2.21)

During the integration phase, the incomplete settling model is evaluated proceeding in a
similar way as done for the sampling phase. Thus, at the end of the subsequent integration
phase—that is, at t = (n + 1/2)Ts—, the value of va is given by [3],

va[(n + 1/2)Ts] =

⎧⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎩

va0,φ2
e
− gm

Ceq,φ2

Ts
2 |va0,φ2

| ≤ Io
gm

Io
gm

sgn(va0,φ2
)e

− gm
Ceq,φ2

(
Ts
2 −to,φ2

)
|va0,φ2

| > Io
gm

, to,φ2
≤ Ts

2

va0,φ2
− Io

Ceq,φ2
sgn(va0,φ2

) Ts
2 |va0,φ2

| > Io
gm

, to,φ2
> Ts

2

(2.22)

where to,φ2
is the duration of the SR-limited integrator settling (relative to Ts/2), given by

to,φ2
= Ceq,φ2

gm

(
gm|va0,φ2

|
Io

− 1

)
(2.23)

and va0,φ2
represents the value of va at the beginning of the integration phase. The latter

can be computed as

va0,φ2
= 1

Ceq,φ2

(
1 + CL

CI

) Ni∑
i=1

CSi{vi2(nTs) − vi1[(n − 1/2)Ts]}

+ C
′

Ceq,φ2

va(nTs)

(2.24)

where vi1, vi2 are the voltages connected to the input of the ith SC branch during φ1,φ2,
respectively, and C

′
represents:

C
′ = CP + CL

(
1 + CP

CI

)
(2.25)

The integrator output voltage at the end of the integration phase can be obtained as,

vo[(n + 1/2)Ts] = vo(nTs) +
Ni∑
i=1

CSi

CI
{vi1[(n − 1/2)Ts] − vi2(nTs)}

−
(

1 + CP

CI

)
va(nTs)

+
(

1 + CP + ∑Ni
i=1 CSi

CI

)
va[(n + 1/2)Ts]

(2.26)
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as opposed to the ideal integration process with no dynamic limitations, in which the last
two terms in Equation 2.26 are null.

The amplifier gain-bandwidth product and output SR during this phase can be obtained
similarly as for the sampling phase to be:

GBφ2
(rad/s) = gm

Ceq,φ2

SRφ2
(V/s) =

(
1 + CP + ∑Ni

i=1 CSi

CI

)
Io

Ceq,φ2

(2.27)

Figure 2.8 illustrates how the equations above can be concatenated to accurately keep
track of the summation and output voltages of an SC integrator over the clock peri-
ods. They can be easily incorporated into CAD tools for the behavioral simulation
of SC-��Ms—or SC circuits in general. Moreover, the previous model can be easily
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Figure 2.8 Illustration of the influence of switching load conditions on the transient response of an
SC integrator: (a) loading SC branches are not considered and (b) one loading SC branch with a 0.5-
pF capacitor is considered. (Vertical dashed lines indicate time positions to,φ1 where the integrator
ends an SR-limited response and starts evolving linearly). Parameters used are (Figures 2.6 and
2.7): v11 = 0, v12 = −1V, CS1 = 0.25 pF, CI = 1 pF, CP = 0.1 pF, CL = 1 pF, gm = 0.5 mA/V,
and Io = 0.15 mA for the SC integrator under consideration, vn12 = −1V and CSn1 = 0.5 pF for
the loading SC integrator, and Ts = 50 ns.
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extrapolated to other operating conditions: integration and sampling phases with different
durations, different switching loading conditions at the integrator output, to include the
parasitic capacitance of the switches, etc.

2.4.2 Linear Effect of Finite Amplifier Gain-Bandwidth Product

The model for the transient response of SC integrators described earlier can be easily
incorporated into behavioral simulators for SC-��Ms to accurately quantify the influence
of settling errors on the modulator performance—in terms of both the increased in-band
noise and the generated distortion. Besides this behavioral model, it is often useful to
work at the early design stages (high-level design) with closed-form expressions which,
although being coarse approximations of the behavioral model, can help to gain insight of
the influence of settling parameters on different modulator topologies. For this purpose, a
linear transient response will be assumed for SC integrators in this section, as if settling
error was determined only by the finite amplifier GB with no limitation on the SR.

With these considerations in mind, the finite difference equation of an SC FE integrator
can be obtained from Equations 2.17, 2.20, 2.22, and 2.26 to be,

vo[(n + 1/2)Ts] ≈ vo[(n − 1)Ts] + CS

CI
(1 − εst){v1[(n − 1)Ts] − v2[(n − 1/2)Ts]} (2.28)

where only one input branch is considered for simplicity. The settling error associated
with the linearly limited transient response is represented by εst, which thus contains
terms in e−GBφ1

Ts/2 and in e−GBφ2
Ts/2—with GB in rad s−1. If settling errors associated

with integration dominate on the overall defective settling over those originated during
sampling, the linear settling error can be simply reduced to:

εst ≈ e−GBφ2
Ts
2 = e−π

GBφ2
(Hz)

fs (2.29)

Transforming Equation 2.28 to the Z-domain, the integrator output results in,

vo(z) ≈ CS

CI
(1 − εst)

z−1v1(z) − z−1/2v2(z)

1 − z−1
(2.30)

so that, under the assumptions earlier, settling error translates into a gain error in the
ideal ITF, whose effect on the IBN of SC-��Ms can be computed in a similar way as
formerly done for capacitor mismatch in Section 2.3. Therefore, Equations 2.13–2.14 still
hold for quantifying the effect of linear defective settling to first order, just by replacing εg
with εst.

Figure 2.9 illustrates the effect of the finite amplifier GB on single-loop and cascade
SC-��Ms. The in-band noise of second- and third-order single loops and of a 2-1-1
cascade is computed considering both the behavioral model for the integrator settling
in Section 2.4.1 and the approximated closed-form expressions of the generated gain
error. Large amplifier output currents have been used in behavioral simulations to make
the influence of SR limitation negligible and thus consider linear errors only. Note that,
as expected, cascades ��Ms are more sensitive to GB limitations that single loops.
Usually, an amplifier GB of 1–2fs is sufficient for single-loop modulators to achieve
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Figure 2.9 Simulation results for the influence of amplifier GB on the in-band noise of SC-��Ms:
(a) second- and third-order loops and (b) 2-1-1 cascade. Approximated results have been obtained
from Equations 2.13 and 2.15 with εst = e−πGB(Hz)/fs .

full performance, whereas the requirement increases to 3–10fs for cascade ��Ms as the
oversampling ratio increases.

2.4.3 Nonlinear Effect of Finite Amplifier Slew Rate

Contrary to errors arising from finite amplifier GB, finite amplifier SR caused by limited
output current capability has a purely nonlinear effect on the performance of ��Ms,
generating distortion and an increase in the noise floor.

For the case of single-loop SC-��Ms, SR-limited integrator dynamics basically trans-
late into distortion. Figure 2.10 illustrates the impact of amplifier SR on a single-bit
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Figure 2.10 Simulation results for a third-order SC-��M with OSR = 64 under the influence of
finite amplifier slew rate: (a) effect on the in-band noise and (b) effect on the output spectrum for
GB = 1fs. Input signal with Pin = −6 dBFS and fin = Bw/3. Generated distortion is included in
the IBN computation.
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Figure 2.11 Simulation results for a 2-1-1 SC-��M with OSR = 32 under the influence of finite
amplifier slew rate: (a) effect on the in-band noise and (b) effect on the output spectrum for
GB = 3fs. Input signal with Pin = −6 dBFS and fin = Bw/3. Generated distortion is included in
the IBN computation.

third-order ��M operating with an oversampling ratio of 64. An input tone with −6 dBFS
(0.5Vref amplitude) and frequency equal to Bw/3 is applied to the modulator in behavioral
simulations. Note from the presented results that, depending on the amplifier GB, an SR
of 4–8Vreffs is enough to reduce the power of generated distortion to a level that does
not affect IBN.

For the case of cascade SC-��Ms, finite amplifier SR generates distortion as well as
an increase in the noise floor due to noise leakages, as shown in Figure 2.11. For that
reason, SR requirements are larger than for single loops and usually range from 4 to
10Vreffs depending on the amplifier GB—the larger the GB, the lower the required SR.

Finally, note that the SR-limited integrator dynamic is a nonlinear signal-dependent
phenomenon whose occurrence frequency during the modulator operation is directly deter-
mined by the signal level at the integrators inputs. Therefore, the ultimate way to reduce
SR requirements on an SC-��M is to resort to multibit internal quantization.

2.4.4 Effect of Finite Switch On-Resistance

Switches in the SC branches of ��Ms are implemented with MOSFETs—using either
single nMOS or pMOS transistors, or CMOS transmission gates—that operate in the
triode region when on and thus exhibit in practice a nonzero on-resistance.

If the on-resistance of the switches is the only nonideality accounted for in the operation
of an SC integrator, it clearly leads to an incomplete charge transfer due to the RC
time constant that is created in the SC branch. Considering for instance the scheme in
Figure 2.12, the integrator output voltage can be obtained as [3],

vo(z) = CS

CI
(1 − εRon,φ2

)

[
(1 − εRon,φ1

)z−1v1(z) − z−1/2v2(z)

1 − z−1

]
(2.31)
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Figure 2.12 SC FE integrator with a single input branch.

where εRon,φ1
represents the charging error in CS during φ1 related to the on-resistance of

switches S1 and S2 and εRon,φ2
represents the error in the charge transfer from CS to CI

during φ2 related to the on-resistance of switches S3 and S4. If Ron is the on-resistance
of a single switch, assuming that all switches are of the same size and that both clock
phases have the same duration leads to:

εRon,φ1
= εRon,φ2

= e
− 1

2RonCS
Ts
2 = e−π

fRon (Hz)
fs (2.32)

Therefore, charge transfer error due to the on-resistance of the switches translates into
a gain error in the ideal ITF, whose effect on the IBN of SC-��Ms can be computed in a
similar way as formerly done in Sections 2.3 or 2.4.2. Therefore, finite switch on-resistance
will have considerably lower impact on �� single loops than on cascades.

Besides the former discussion on how the switch on-resistance, as a stand-alone nonide-
ality, affects an SC integrator, its effect is better accounted for in practice in combination
with the limited amplifier dynamics. Figure 2.13 shows electrical simulation results to
illustrate the influence of Ron on the transient response of the same SC integrator for-
merly considered in Figure 2.8. Only one clock cycle is shown here to gain in visibility of
the Ron effect. Note that the linear amplifier response is slowed down as the on-resistance
increases, affecting the integrator settling during both the sampling and the integration
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Figure 2.13 Illustration of the influence of the switch on-resistance on the transient response of
an SC integrator with a loading SC branch. Simulation parameters used are same as those for
Figure 2.8 for comparison purposes.
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Figure 2.14 Influence of switch on-resistance on the in-band noise of SC-��Ms: (a) third-order
loop and (b) 2-1-1 cascade. Approximated results have been obtained from Equations 2.13 and 2.15
with εst,Ron

= e−πGB(Hz)/[1+GB(Hz)/fRon ].

phase. To incorporate this effect into behavioral simulations, the effective amplifier GB
during both clock phases can be approximated to [3],

GBRon,φ1
(Hz) ≈ GBφ1

(Hz)

1 + GBφ1
(Hz)/fRon,φ1

, with fRon,φ1
= 1

2π • 2RonCSn

GBRon,φ2
(Hz) ≈ GBφ2

(Hz)

1 + GBφ2
(Hz)/fRon,φ2

, with fRon,φ2
= 1

2π • 2RonCS

(2.33)

where fRon,φ1
and fRon,φ2

represent the RC poles introduced by loading SC branch and
by the input SC branch, respectively, and GBφ1

and GBφ2
are respectively given by

Equations 2.21 and 2.27.
In addition, results presented in Section 2.4.2 for the linear effect of finite amplifier

GB on the IBN of SC-��Ms can be easily refined to include the slow-down effect of
the switches Ron. To that purpose, the following gain error

εst,Ron
= e

−π
GB(Hz)

1+GB(Hz)/fRon (2.34)

can be considered in Equations 2.13 and 2.14. Figure 2.14 illustrates the combined linear
effect of the finite amplifier GB and finite switch on-resistance on a third-order single loop
and on a 2-1-1 cascade SC-��M. The lower sensitivity of single loops to these errors
is clear and a switch on-resistance such that fRon

is 4–5fs is sufficient, in combination
with the limited amplifier GB, to achieve full performance. This requirement for the Ron
usually increases to 10–20fs for cascade ��Ms as the oversampling increases.

2.5 Circuit Noise in SC-��Ms

Electronic noise generated in transistors and resistors is present in any circuit implementa-
tion and imposes an ultimate limit to the resolution of ADCs. However, its impact is more



72 CMOS Sigma-Delta Converters

severe in DT-��Ms that employ SC-techniques due to the white spectrum of the main
circuit noise sources. In an SC-��M, these broadband noise components are sampled
together with the input signal at the clock frequency, so that they fold over the modulator
passband and may cause a considerable increase of the modulator in-band noise due to
aliasing.

As stated in Section 2.1, the influence of nonidealities on the IBN of ��Ms is mainly
determined by the location of the corresponding noise source in the modulator. With
respect to circuit noise, all SC integrators in a ��M add noise in the modulator passband,
but the role of the front-end integrator is indeed dominant. When referred to the modulator
input, noise power contributed by the remaining integrators is divided by the gain of
preceding integrators within the modulator passband, so their influence strongly diminishes
while moving from front-end to back-end integrators. Conversely, no shaping takes place
at the modulator input and the first integrator has thus to fulfill the noise and linearity
requirements of the complete ��M.

Let us consider the SC integrator in Figure 2.15a to be the front-end integrator of an SC-
��M. Two input SC branches are considered: the one including capacitor CS1 is assumed
to sample the modulator input signal (v1 = vin), whereas the one including capacitor CS2
samples the DAC feedback signal (v2 = vfb). The main sources of circuit noise in SC
integrators have been incorporated into the equivalent models in Figures 2.15b and 2.15c
during each of the clock phases, namely, thermal noise generated in the switches and
noise generated in the amplifier—both thermal and flicker components to be considered.3

Figure 2.15b shows the model for the thermal noise introduced by switches controlled
by clock phase φ1. For both SC branches, the two active switches are assumed to have the
same on-resistance (Ron) and they are in series with a noise voltage source vsw. The PSD
of each of these noise sources in a single-sided frequency representation is thus Ssw =
4kT (2Ron), where k is Boltzmann’s constant and T is the absolute temperature. Each of the
noise sources generates a sample-and-held noise component in the corresponding capacitor
voltage given by the well-known kT/C expression due to the foldover effect [7-9]:

Ssw,CSi
(f ) ≈ 2kT

CSifs
sinc2(πf/fs) (2.35)

Figure 2.15c shows the model for the thermal noise introduced by switches controlled
by clock phase φ2 and for the noise in the amplifier. These switches originate an additional
noise component in the capacitor voltage of the corresponding SC branch, similarly given
by Equation 2.35. On the other hand, a single-pole model is assumed for the amplifier
and its equivalent input noise is modeled by a voltage source vamp at the positive input
terminal. As illustrated in Figure 2.16, the amplifier noise is basically determined by a
broadband thermal component and a narrowband flicker component, so that

Samp(f ) ≈ Samp,th(f ) + Samp,1/f(f ) ≈ Samp,th

(
1 + fcr

f

)
(2.36)

where Samp,th represents the amplifier thermal noise PSD referred to its input and fcr
represents the amplifier corner frequency—that is, the frequency at which 1/f noise is

3 The noise associated with the DAC reference voltage is not considered here for simplicity, but it can be incor-
porated in a similar way into the amplifier noise [3].
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Figure 2.16 Illustration of the PSD of the amplifier noise showing the contributions of 1/f and
thermal noise.
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equal to the thermal noise.4 The amplifier noise generates correlated sample-and-held
noise components in the integrator sampling capacitors that can be obtained as

Samp,CSi
(f ) ≈ Samp,th

(
2Bw,noise

fs
+ fcr

f

)
sinc2(πf/fs) (2.37)

where the amplifier noise bandwidth Bw,noise is required to account for the foldover effect
of thermal noise. As shown in [3], it can be estimated as Bw,noise(Hz) ≈ GBφ2

(rad/s)/4,
with GBφ2

given by Equation 2.27.
Adding up the former circuit noise components in the SC integrator, the total input-

referred5 noise PSD yields [3]

Snoise,in(f ) ≈ 2

[
2Ssw,CS1

(f ) + 2Ssw,CS2
(f )

C2
S2

C2
S1

]
+ Samp,CSi

(f )

(
1 + CS2

CS1

)2

(2.38)

where the factor 2 multiplying Ssw,CSi
(f ) accounts for the contributions of switches con-

trolled by φ1 and φ2, whereas the factor 2 before the brackets accounts for the actual
fully-differential implementation of the SC integrator, in which the number of SC branches
and thus of switches doubles in comparison to the single-ended scheme in Figure 2.15.
Replacing Equations 2.35 and 2.37 in 2.38, the total input-referred noise PSD of the
front-end integrator of an SC-��M can thus be approximated to be

Snoise,in(f ) ≈ 8kT

CS1fs

(
1 + CS2

CS1

)
+ Samp,th

(
GBφ2

2fs
+ fcr

f

) (
1 + CS2

CS1

)2

(2.39)

in which the approximation sinc2(πf/fs) ≈ 1 for f � fs has been used for simplicity.
The input-referred IBN of an SC-��M due to circuit noise can be easily obtained by

integrating the former expression over the input signal bandwidth, so that

IBNnoise =
Bw∫
0

Snoise,in(f )df ≈ 4kT

CS1OSR

(
1 + CS2

CS1

)

+ Samp,th

[
GBφ2

4OSR
+ fcr ln

(
Bw

f0

)](
1 + CS2

CS1

)2
(2.40)

in which the 1/f noise component has been integrated from a frequency f0 > 0 to exclude
DC due to its logarithmic nature.

For an SC-��M to achieve a given noise performance, the sum of all three components
in Equation 2.40 have to meet the demanded noise floor. Note that:

4 For a single-stage amplifier, the thermal noise component can be approximated to Samp,th ≈ 8kT
3gm

2(1 + nth), where
gm is the transconductance of the amplifier input transistor, nth represents the noise factor contributed by the
remaining transistors in the amplifier, and a factor 2 accounts for the fully-differential amplifier implementation.
The amplifier corner frequency strongly depends on the size of the input transistors, their type, and the technological
process, and is thus not easy to accurately estimate it with a closed-form expression. However, both noise parameters
can be easily characterized by means of electrical simulation.
5 That is, referred to the voltage across capacitor CS1 that samples the modulator input signal.
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• For a given OSR, to reduce the contribution of the switches’ thermal noise, the size
of the sampling capacitors at the modulator input must be increased, which results in
larger speed requirements for the amplifier and thus in larger power consumption.

• For a given OSR, to reduce the contribution of the amplifier thermal noise, its GB must
be reduced as much as the integrator settling requirements allow.

• To reduce the flicker contribution the amplifier corner frequency must be kept low. In
low-bandwidth applications, cancelation techniques such as correlated double sampling
(CDS) or chopper are often required for further reduction of the 1/f component [10].

2.6 Clock Jitter in SC-��Ms

Discrete-time ��Ms are affected in practice by timing uncertainties6 in the clock phases
that control the SC operation. However, they exhibit larger tolerance to clock jitter than
Nyquist converters, because jitter sensitivity is reduced by the modulator OSR [12].

The effect of clock jitter in SC-��Ms is mainly limited to a sampling uncertainty of the
modulator input signal. Timing uncertainties during the integration phase only cause an
extra error to be added to the integrator settling error and their influence can be neglected
in practice, whereas the contributions of other integrators than the front-end one will be
reduced by the noise shaping. Therefore, different SC-��Ms exhibit similar sensitivity
to clock jitter [13].

Sampling time uncertainty causes a nonuniform sampling of the modulator input signal
that results in an increase of the in-band error power. The magnitude of this increase is
usually estimated for SC-��Ms assuming random statistical properties for the clock jitter
[12]. For a modulator input sinewave vin(t) = Ain sin(2πfint) as shown in Figure 2.17, an
uncertainty of �t in the sampling instant causes an error in the sampled signal given by:

εj = vin(nTs + �t) − vin(nTs) ≈ dvin(t)

dt

∣∣∣∣
nTs

�t = (2πfin)Ain�t cos(2πfinnTs) (2.41)

Under the assumption of white jitter, the power of this modulated error distributes uni-
formly, so that only a fraction of it is located within the ��M passband. The in-band
noise due to clock jitter can thus be easily obtained as

IBNj =
+Bw∫

−Bw

A2
in

2

(2πfinσj)
2

fs
df = A2

in

2

(2πfinσj)
2

OSR
(2.42)

where σj represents the standard deviation of the timing uncertainty. Taking into account
that Ain ≤ �/2 and fin ≤ fs/(2OSR), an upper bound can be calculated for Equation 2.42

IBNj ≤ �2

8

(πfsσj)
2

OSR3 (2.43)

showing that the sensitivity of SC-��Ms to clock jitter is reduced by OSR−3.

6 This effect is inherent to every clock generation circuitry—crystal oscillators, PLL-based oscillators, etc.—and is
mostly caused by thermal noise, phase noise, and spurious tones that degrade the spectral purity of clock signal [11].
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Figure 2.17 Illustration of nonuniform sampling of a signal due to clock jitter. The gray shaded
areas represent the timing uncertainties.

2.7 Sources of Distortion in SC-��Ms

Analog devices used for the implementation of ��Ms exhibit in practice a certain non-
linearity. These nonlinearities generate distortion and thus limit the peak SNDR attainable
for high input amplitudes. Nevertheless, deriving closed-form expressions for the distor-
tion generated in a ��M is in general much more awkward than analyzing the effect of
linear errors. Therefore, several simplifications are often made to handle nonlinearities.
First, only the sources of distortion associated with the front-end integrator in the ��M
are considered, as they directly add to the modulator signal with no attenuation and thus
dominate the overall modulator nonlinearity. Distortion generated in subsequent integra-
tors is suppressed by the increasing noise shaping when referred to the modulator input,
so that their contributions can be considered negligible in practice. Second, each source
of nonlinearity is conceived as a small deviation from the ideal linear behavior—that is,
as a weak nonlinearity—that affects the modulator performance in an additive way.

Figure 2.18 illustrates the main sources of distortion in an SC integrator, in which a
fully-differential topology is assumed for the suppression of even-order harmonics. In
SC-��Ms, linearity is basically limited by the voltage dependency of capacitors, of the
switches on-resistance, and of the amplifier gain, as well as by the SR-limited integrator
dynamics (already discussed in Section 2.4.3). Distortion arising from charge injection in
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Figure 2.18 Main sources of distortion in a fully-differential SC integrator.
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Figure 2.19 Illustration of the dependency of the amplifier gain on the output voltage level.

the switches can be neglected if clock phases with delayed falling edges are employed
[14]. Besides, given the highly linear capacitors that present mixed-mode technological
processes offer—such as MiM and MoM capacitors—their effect will not be further
considered here.7 The influence of the nonlinearity of the switches and of the amplifier
gain will be discussed later.

2.7.1 Nonlinear Amplifier Gain

The DC gain of an amplifier exhibits in practice a voltage-dependent characteristic,
because the output resistance of the amplifier output transistors decreases as the amplifier
output voltage deviates from the quiescent point. Figure 2.19 illustrates this effect with
electrical simulations results of a folded-cascode amplifier designed in a 2.5-V 0.25-μm
CMOS process. Note that the amplifier DC gain is about 8500 (78.5 dB) at the common-
mode output voltage, but it decreases for increasing output levels and drops abruptly near
the amplifier saturation region.

The influence of the amplifier gain nonlinearity can be easily incorporated into the
leaky integrator model in Section 2.2, so that the difference equation in Equation 2.2 can
be rewritten as [3]

vo(nTs) =
1 +

(
1 + CP

CI

)
1

Av(vo,n−1)

1 +
(

1 + CP
CI

+ ∑Ni
i=1

CSi
CI

)
1

Av(vo,n)

vo[(n − 1)Ts]

+
∑Ni

i=1
CSi
CI

vi[(n − 1)Ts]

1 +
(

1 + CP
CI

+ ∑Ni
i=1

CSi
CI

)
1

Av(vo,n)

(2.44)

where Av(vo,n−1) represents the effective amplifier gain at the output voltage correspond-
ing to clock cycle (n − 1)Ts and Av(vo,n) corresponds to that of clock cycle nTs. As will

7 If different capacitor primitives are to be considered for the SC implementation, the interested reader can find
details on the generated distortion in [3, 13].
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be shown in Section 3.3, solving this difference equation in an iterative way, together
with a table look-up for the amplifier gain, allows for accurately accounting for the volt-
age dependency of the amplifier gain in transient behavioral simulations—in spite of the
nonlinearity being weak or strong!

For weak nonlinearities, a polynomial approximation can be used for modeling the
voltage dependency near the quiescent point and for obtaining rough estimations of the
generated distortion. Let us assume that the amplifier gain of the front-end integrator in
an SC-��M, such as that shown in Figure 2.18, is expressed as

Av(vo) = Av(1 + cnl1vo + cnl2v
2
o + ...) (2.45)

where cnli represents the ith-order voltage-gain coefficient of the amplifier DC gain. If a
sinewave with amplitude Ain is applied at the modulator input, the input-referred distortion
of the third-order harmonic can be estimated as [3, 15]

HD3 ≈ cnl2

4

(
1 + CP

CI
+ CS

CI

)
Av

(
CS

CI

)2

A2
in (2.46)

where CP is the parasitic capacitor at the amplifier input nodes. Note that decreasing the
integrator gain coefficient clearly helps to reduce distortion. However, the most direct
way to reduce the effect of the amplifier gain nonlinearity is increasing the value of the
amplifier gain itself [3, 13].

2.7.2 Nonlinear Switch On-Resistance

Switches in SC-��Ms are usually implemented as CMOS transmission gates, so that,
at least, either the nMOS or the pMOS transistors are on for a given voltage level to
be transmitted. Figure 2.20a sketches the on-conductance of nMOS and pMOS switches,
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Figure 2.20 Illustration of a switch on-state performance: (a) sketch of the on-conductance versus
input voltage and (b) simulation results of the on-resistance versus input voltage in a 2.5-V 0.25-μm
CMOS process.
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assuming that they exhibit a resistance in the triode region that can be approximated to
[3, 16]

RonN ≈ 1

KN
WN
LN

(VGS − VTN − VDS
2 )

≈ 1

KN
WN
LN

(VDD − VTN − Vin)

RonP ≈ 1

KP
WP
LP

(VSG − |VTP| − VSD
2 )

≈ 1

KP
WP
LP

(Vin − VSS − |VTP|)

(2.47)

where Vin = (VD + VS)/2 represents the switch input voltage—that is, the common-mode
voltage of the drain and source terminals. The on-resistance of the CMOS transmission
gate is thus obtained as Ron = RonN||RonP, warranting a rail-to-rail operation of the switch
as long as VDD − VSS > VTN + |VTP|.8 Figure 2.20b shows electrical simulation results of
a transmission gate in a 2.5-V 0.25-μm CMOS process, in which the voltage dependency
of the switch on-resistance is clearly visible.

To analyze the relative influence of the different switches in the front-end integrator of
an SC-��M on the generated distortion, let us consider the schematic in Figure 2.18. The
modulator input signal is sampled on capacitors CS through switches S1 and S2 during
φ1. As switches S1 are connected to the modulator input, their on-resistances directly
depend on the modulator input level and are the dominant source of distortion. However,
switches S2 have one of their terminals connected to the common-mode voltage—that is,
to a voltage that remains approximately constant over time—so that the voltage level of
these switches is not expected to change much over the clock periods [5]. As a result, the
distortion introduced by switches S2 will be considerably lower than that of switches S1.
The same reasoning can be applied to switches S3 and S4 during φ2: switches S3 have
one terminal connected to a fixed voltage—the common-mode voltage, as depicted in
Figure 2.18, or the DAC feedback voltage—and switches S4 are connected to the virtual
ground of the amplifier. Their influence on the generated distortion can thus be neglected
in practice.

Chapter 4 will demonstrate the distortion generated by nonlinear sampling in an SC-
��M can be accurately evaluated through transistor-level electrical simulations of the
equivalent circuit in Figure 2.21. A tone with large amplitude can be applied at the
differential input and the differential voltage stored in capacitors CS can be collected at
the clock rate to compute the FFT and measure the THD.

Finally, Section 4.4.1 will demonstrate that the generated distortion can be reduced
not only by keeping the switch as linear as possible, but also by reducing the value
of the on-resistance itself. Figure 2.22 illustrates the switch on-resistance for different
alternatives for the relative sizing of the switch transistors. If the sizes compensate the
difference in the transconductance parameter of the nMOS and pMOS transistors—that is,
KNWN = KPWP, as used for instance in [3]—the nonlinearity of the on-resistance is low,
but its average value is larger than for WN = WP—as used in [5]. In the latter case, the
switch area and its parasitic capacitors increase, but the slow-down effect of the switch
Ron on the integrator settling will decrease, as discussed in Section 2.4.4. Note that the

8 Note that, if VDD − VSS < VTN + |VTP|, a gap will appear at the mid-range in Figure 2.20a, because neither the
nMOS switch nor the pMOS will conduct. In a low-voltage environment, this problem is often overcome using
clock-boosting techniques [17, 18] or low-VT transistors.
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Figure 2.21 Equivalent circuit for evaluating distortion during sampling due to the switch
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Figure 2.22 Illustration of the switch on-resistance nonlinearity for different transistor sizings in
a 2.5-V 0.25-μm CMOS process.

design trade-offs above can be solved in opposite directions depending on the particular
linearity and speed requirements of an SC-��M, as well as the modulator input range
relative to the supply voltage.

2.8 Nonidealities in Continuous-Time �� Modulators

As illustrated in Figure 2.23, circuit errors in CT-��Ms can be divided into two main
categories:

• Building-block errors, which are the nonideal effects derived from the modulator loop
filter implementation—similar to the SC case—, such as finite amplifier gain (for active-
RC implementations), integrator time-constant error, circuit noise, nonlinearities, etc.



Circuits and Errors: Systematic Analysis and Practical Design Issues 81

Nonidealities in CT-ΣΔMs

Building-block
errors

Architectural
timing errors

Circuit noise

Time-constant error

Amplifier gain limitation

Clock jitter

Quantizer metastability

Excess loop delay

Integrator dynamic response

Nonlinearities (front-end V-to-I,
DAC, amplifier gain)

Figure 2.23 Main nonidealities affecting the performance of continuous-time ��Ms.

• Architectural timing errors, namely: clock jitter, excess loop delay, and quantizer
metastability.

The former group of errors causes similar effects on the performance of CT-��Ms as
in the case of their DT counterparts. Therefore, they can also be classified according to
their degradation on the modulator performance: either causing a deviation in NTF or an
additive noise component at the modulator input.

As stated in Section 1.8, CT implementations are potentially faster than SC ones,
leading to much more relaxed designs (in terms of power consumption) when high-speed
operation is required. In addition, they do not suffer from kT/C noise. However, SC
implementations have intrinsically lower parameter variations, as most circuit parameters
are defined by capacitor ratios, instead of by absolute parameter values as in the case of
CT-��Ms. In the following sections, main nonideal effects of CT-��Ms are described,
putting emphasis on the most critical design issues.

2.9 Clock Jitter in CT-��Ms

Continuous-time ��Ms are more severely affected by timing uncertainties than their DT
counterparts. Conversely to DT-��Ms, sampling time uncertainties occur at the quantizer
input, where the jitter-induced error is strongly suppressed by the noise shaping and can
thus be neglected in practice. However, errors resulting from timing uncertainties in the
DAC feedback signal add directly to the modulator input with no suppression, hence
being the dominant jitter effect and limiting the overall modulator performance.

The magnitude of jitter-induced errors heavily depends on the pulse shape of the DAC
feedback signal as well as on the statistical properties of clock jitter. Both aspects have
been extensively studied in published literature [2, 19-25]. In the following sections the
effect of DAC pulse shapes that are most commonly used—that is, NRZ, RZ, and SC
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Figure 2.24 Illustration of the jitter effect on the feedback signal of a single-bit CT-��M:
(a) NRZ DAC and (b) RZ DAC. The gray shaded areas represent the timing uncertainties. A pulse
sequence of (+1, +1, −1) is considered.

pulses—is revised under a random jitter assumption to provide a general overview of its
effect.

2.9.1 Jitter in Return-to-Zero DACs

Figure 2.24 illustrates the effect of clock jitter on rectangular-shaped DAC feedback
signals of a single-bit CT-��M. Both RZ and NRZ schemes, typically employed in SI
DACs, are depicted for comparison purposes.

If the timing uncertainty in one side of an RZ pulse is considered, jitter will induce a
charge error on the feedback signal εQDAC

within one clock period that is given by

εQDAC
= IDAC�t (2.48)

where IDAC represents the amplitude of the RZ DAC pulses and �t for the timing uncer-
tainty. If a random jitter is assumed and both sides of the RZ pulse are accounted for
(Figure 2.24b), the variance of the jitter-induced charge error per clock cycle yields

σ2
Q,RZ = 2I 2

DACσ2
j (2.49)

where σ2
j represents the variance of the timing uncertainty and the factor 2 results from

assuming that the instants of both jittered sides are statistically independent. Relating
Equation 2.49 to time, the former variance of charge error can be translated into a current
error variance:

σ2
I,RZ = σ2

Q,RZ

T 2
s

= 2I 2
DAC(fsσj)

2 (2.50)
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The amplitude of the RZ DAC pulse IDAC is determined by the feedback scaling coefficient
and the DAC step width �. For the first integrator of a single-bit CT-��M, it is given
by [2]

IDAC = k1,RZ �/2 (2.51)

so that:

σ2
I,RZ =

(
�

2

)2

2k2
1,RZ(fsσj)

2 (2.52)

To obtain the resulting in-band noise, this noise component can be easily related to the
modulator input as [2]

IBNj,RZ ≈ σ2
I,RZ

k2
1,NRZOSR

=
(

�

2

)2 k2
1,RZ

k2
1,NRZ

2(fsσj)
2

OSR
(2.53)

showing that the sensitivity of a CT-��M with RZ feedback to clock jitter is reduced
by only OSR−1. It thus compares unfavorably with DT-��Ms, in which a suppression
proportional to OSR−3 is achieved—see Equation 2.43.

2.9.2 Jitter in NonReturn-to-Zero DACs

The effect of clock jitter in NRZ feedback DACs can be obtained in a similar way as
previously done for RZ DACs. However, contrary to RZ feedback pulses, jitter affects the
feedback charge only if the feedback signal changes its state, as shown in Figure 2.24a.
Thus, the variance of the jitter-induced charge error per clock cycle for an NRZ DAC
is in practice less than half of the RZ counterpart in Equation 2.49, because a state
transition does not necessarily occur in every cycle. For large input signals and single-bit
quantization, it can be approximated to [2, 19]:

σ2
Q,NRZ ≈ 0.7I 2

DACσ2
j (2.54)

On the other hand, if a transition state takes place in an RZ DAC, the amplitude of the
step is � instead of �/2 in Equation 2.51, so that:

IDAC = k1,NRZ � (2.55)

Therefore, the resulting in-band noise for a single-bit CT-��M employing NRZ feedback
DAC can be estimated as:

IBNj,NRZ ≈ σ2
I,NRZ

k2
1,NRZOSR

= �2
0.7(fsσj)

2

OSR
(2.56)

Taking into account that k1,RZ is typically twice the value of k1, NRZ—that is, the duration
of the RZ pulse is typically Ts/2—the sensitivity to clock jitter of both rectangular-shape
feedback DACs can be easily compared from Equations 2.53 and 2.56

IBNj,NRZ

IBNj,RZ
≈ 0.7

2
≈ −4.5 dB (2.57)
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Figure 2.25 Illustration of the jitter effect on the feedback signal of a multibit CT-��M:
(a) NRZ DAC and (b) RZ DAC. The gray shaded areas represent the timing uncertainties.

showing that NRZ feedback leads to lower sensitivity to clock jitter than the RZ coun-
terpart [2, 25].

Resorting to multibit quantization is a common approach for reducing the sensitivity
to clock jitter of CT-��Ms. Figure 2.25a illustrates a DAC feedback signal employing
multibit NRZ. It intuitively comes out that the number of state transitions per clock cycle
increases from 0.7 (for the single-bit case) to a value close to 1 (for the multibit case), but
two adjacent NRZ pulses will mostly differ by only 1LSB, thus reducing the jitter-induced
charge error per clock cycle compared with Equation 2.54. Therefore, the in-band noise
due to clock jitter of an NRZ CT-��M is reduced approximately 6 dB per additional
bit [2]. From Figure 2.25b it can also be intuitively derived that the reduction of jitter
noise by resorting to multibit RZ is only minor compared with multibit NRZ, because the
feedback signal has mostly to change by more than 1LSB at each clock cycle.

2.9.3 Jitter in Switched-Capacitor DACs

The use of shaped pulses in the feedback DAC is an alternative approach commonly
employed for reducing the sensitivity of CT-��Ms to clock jitter. Figure 2.26 illustrates
a typical feedback signal in an SC DAC, in which the RZ scheme uses an exponentially
decaying waveform. If the timing uncertainty in one side of the SC-RZ pulse is considered,
the charge error on the feedback signal εQDAC

induced by jitter within one clock period
yields

εQDAC
≈ IDAC e

− Ts
2τDAC �t (2.58)

where τDAC = RDACCDAC is the time constant9 of the DAC exponential current. A duration
of Ts/2 is assumed for the RZ interval in Equation 2.58. If both jittered sides are considered

9 The resistance RDAC, via which the DAC capacitor CDAC is discharged, is generally determined by the resistance
of the DAC switches and the integrator input impedance in feedback configuration [26].
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Figure 2.26 Illustration of the jitter effect on the feedback signal of a CT-��M with an SC
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is considered.

(Figure 2.26) and their instants are assumed uncorrelated, the variance of the jitter-induced
charge error per clock cycle for an SC-RZ DAC can be approximated to:

σ2
Q,SC = 2

(
IDAC e

− Ts
2τDAC

)2

σ2
j (2.59)

Following a similar procedure to that in Section 2.9.1 for an SI-RZ feedback, the resulting
in-band noise can be obtained as [2]:

IBNj,SC ≈ σ2
I,SC

k2
1,NRZOSR

=
(

�

2

)2 k2
1,SC

k2
1,NRZ

(
e
− Ts

2τDAC

)2 2(fsσj)
2

OSR
(2.60)

Note that the jitter-induced noise is exponentially reduced compared with an SI-RZ
feedback—see Equation 2.53.

2.10 Excess Loop Delay in CT-��Ms

Excess loop delay (ELD) is a timing error that largely impacts the behavior of CT-
��Ms. It can be defined as the constant delay between the quantizer sampling edge
and the corresponding edge in the feedback DAC pulse and ultimately arises from the
nonzero switching time of transistors in the quantizer and DAC circuitry [27].10 ELD can
be expressed as a fraction of the sampling period

td = τdTs (2.61)

10 As will be discussed in Section 2.11, deliberate delays can also be introduced between the quantizer clocking
edge and the subsequent latch feeding the DAC to increase the available time slot for the quantizer decision and
mitigate the influence of quantizer metastability [19, 28-30].
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Figure 2.27 Illustration of excess loop delay in a second-order CT-��M: (a) effect on an NRZ
DAC pulse and (b) equivalent diagram with an explicit delay block between the ADC and the DAC.

and is often represented as an explicit delay that is inserted prior to the DAC, as shown
in Figure 2.27.

Note from Figure 2.27a that, if an NRZ pulse waveform is used in the feedback DAC,
ELD shifts part of the feedback pulse into the next clock cycle. This actually results in a
change of the DAC impulse response from its ideal expression

rDAC(t) = r(0,1)(t) =
⎧⎨
⎩

1, 0 ≤ t < Ts

0, otherwise
(2.62)

to,

r∗
DAC(t) = r(τd,1+τd)(t) =

⎧⎨
⎩

1, td ≤ t < Ts + td

0, otherwise
(2.63)

which can be expressed as a linear combination of a DAC pulse from τd to 1 and a
one-sample-delayed DAC pulse from 0 to τd [29]:

r∗
DAC(t) = r(τd,1+τd)(t) = r(τd,1)(t) + r(0,τd)(t − 1) (2.64)

Taking into account these two feedback pulses, Equation 1.59 and Table 1.4 can be
adopted to derive the DT-equivalent of the actual CT-��M affect by ELD,

H(z, τd) = Z{L−1[R∗
DAC(s)H(s)]|t=nTs

} (2.65)
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to finally derive that the actual order of the equivalent DT-��M increases, which
decreases the maximum stable input amplitude and degrades the noise shaping
performance [29].

This derivation is exemplarily completed here for the second-order CT-��M shown
in Figure 2.27a [2, 29]. The equivalent DT loop filter of the first and second branch of
H(s) yields (with fs = 1),

−k1

s2

CT–DT−−−−→ −k1(1 − τd)
2z − k1(1 − τ2

d)

2(z − 1)2
+ z−1 −k1τd(2 − τd)z − k1τ

2
d

2(z − 1)2

−k2

s

CT–DT−−−−→ −k2(1 − τd)

z − 1
+ z−1 −k2τd

z − 1

(2.66)

where the z−1 in the second terms indicates the shift by one sample due ELD. Adding
the equivalent DT terms of both modulator branches in Equation 2.66 gives:

H(z, τd) = α2z
2 + α1z + α0

2z(z − 1)2
, with

⎧⎪⎪⎪⎨
⎪⎪⎪⎩

α2 = −k1(1 − τd)
2 − 2k2(1 − τd)

α1 = −k1(1 + 2τd − 2τ2
d) + 2k2(1 − 2τd)

α0 = −k1τ
2
d + 2k2τd

(2.67)
Note that for τd = 0, Equation 2.67 becomes the ideal DT loop filter H(z) of a second-
order modulator as shown in Figure 1.14a—see Equation 1.64. However, for τd �= 0, the
order of the DT transfer function increases by 1, so that the equivalence in Equation 1.59
cannot be fulfilled with the original number of scaling coefficients (k1 and k2).

The detrimental effect of ELD on the modulator stability and dynamic range can be
somewhat overcome by tuning the loop filter coefficients [29]. However, the restoration
of the actual equivalence to the ideal DT loop filter under the influence of ELD requires
introducing one more degree of freedom in the CT diagram—that is, one more coeffi-
cient.11 The simplest approach to do this is the insertion of an additional feedback path
scaled by k∗

c [31], as exemplary shown in Figure 2.28 for a second-order CT-��M. Note
that the CT loop filter is modified to,

Hm(s) = −k∗
1

s2
− k∗

2

s
− k∗

c (2.68)

so that the Z-transform of the modified loop filter

Hm(z, τd) = Z{L−1[R∗
DAC(s)Hm(s)]|t=nTs

} (2.69)

can then be mapped on the Z-transform of the ideal loop filter

H(z) = Z{L−1[RDAC(s)H(s)]|t=nTs
} (2.70)

11 If an RZ-DAC is used in the CT-��M, ELD shifts part of the feedback pulse into the next clock cycle only if
the delay td exceeds the time slot between the end of the pulse and the end of the sample; for example, td > Ts/2.
If that is not the case, the order of equivalent DT loop filter does not increase, but ELD leads to a deviation of the
actual modulator coefficients from the desired original values; i.e., to a scaling mismatch that increases the in-band
noise. However, in high-speed CT-��Ms, ELD can become so significant that even RZ pulses get shifted to the
next clock cycle, thus requiring an extra degree of freedom to compensate the effect [2].
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Figure 2.28 Classical approach for compensating excess loop delay in a second-order CT-��M.

to derive the value of coefficients k∗
i . For the second-order CT-��M in Figure 2.28, the

scaling coefficients for ELD compensation can be found to be [2]:

k∗
1 = k1, k∗

2 = k1τd + k2, k∗
c = k1τ

2
d

2
+ k2τd (2.71)

Note that the approach for ELD compensation illustrated in Figure 2.28 requires an
additional DAC and a summing amplifier prior to the ADC. Other architectural alternatives
have been proposed [29, 30, 32-34], although they share the same underlying principle
of providing one extra degree of freedom. The interested reader can refer to [35] for a
comparison of ELD compensation techniques and their extension to the case of cascaded
CT-��Ms.

2.11 Quantizer Metastability in CT-��Ms

In Section 2.9, the sensitivity of CT-��Ms to random clock jitter has been discussed
considering its impact on the variation in the feedback charge. In spite of an ideally perfect
sampling clock with no timing uncertainties, quantizer metastability can also introduce a
statistical variation in the charge that is fed back. As real quantizers contain a regenerative
stage with a finite regeneration gain, quantizer inputs with a magnitude near 0 will take
longer to resolve than inputs with a large magnitude [19]. This nonideal effect is often
referred to as signal-dependent delay, as opposed to constant excess delay due to signal
propagation already discussed in Section 2.10. Figure 2.29 illustrates these different delay
components for a real quantizer as a function of its input signal magnitude vq.12

The variation of the comparison time with the signal level at the quantizer input affects
the performance of a CT-��M in a way similar to clock jitter. As the quantizer input
signal in a ��M is ideally decorrelated from the modulator input, the times when the
quantizer input is near 0 or has a large magnitude appear randomly over time [19]. This
results in a random component in the feedback charge from one clock period to another,
and thus to an increase of the modulator in-band noise.13

12 Hysteresis component in practice means that the quantizer sometimes does not make a decision to change the
output bit when it should. This nonideality is not further considered here because its influence on the performance
of �� modulators is almost negligible [12].
13 As shown in [19], quantizer metastability can also result in a considerable decrease of the modulator SNDR for
small input levels.
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Figure 2.29 Quantizer delay versus input level: (a) ideal characteristic and (b) real characteristic
as the addition of components due to constant excess delay, metastability, and hysteresis [19].

Although the effect of quantizer metastability on the modulator performance resembles
that of random clock jitter, the architectural approaches to circumvent it are in practice
closer to the analysis of ELD in Section 2.10. The easiest alternative consists of inserting a
latching stage between the quantizer and the feedback DAC, which is clocked differently
from the quantizer to provide the quantizer a constant time to resolve [19, 28]. Figure 2.30b
illustrates the approach proposed in [19], in which signal-dependent delay is palliated by
introducing a constant ELD of τd = 1/2. The loop filter coefficients can thus be tuned
for reducing the unfavorable effect of this fixed delay on the modulator stability and
resolution. Figure 2.30c shows the architectural solution proposed in [30], in which a full
delay is introduced before the DAC of the main loop whereas a half delay and an additional
DAC establish a secondary loop to accommodate ELD—in an approach similar to that
illustrated in Figure 2.28. Note that the proposed architecture provides enough degrees of
freedom for modifying the CT loop filter and restoring the actual equivalence to the ideal
DT-version of Figure 2.30a, so that both nonzero excess loop delay and signal-dependent
delay are compensated in practice.

2.12 Finite Amplifier Gain in CT-��Ms

Finite DC gain of amplifiers affects CT-��Ms exactly in the same way as shown in
Section 2.2 for DT-��Ms. Let us consider an ideal active-RC integrator, in which the
transfer function of the ith input path to the output is:

ITFi(s) = 1

sRiCI
= kifs

s
(2.72)
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Figure 2.30 Towards the architectural compensation of timing errors in CT-��Ms: (a) conven-
tional architecture suffering from signal-dependent loop delay, (b) alternative architecture with extra
half-clock delay and loop coefficients tuning [19] and (c) alternative architecture for compensating
both excess loop delay and quantizer metastability [30].

If the finite amplifier gain Av is accounted for in the CT integrator, as shown in
Figure 2.31, the transfer function of the ith input path to the output can be derived as [2],

ITFi,Av
(s) = kifs

s
(

1 + 1
Av

)
+ 1

Av

∑Ni
i=1 kifs

≈ kifs

s + 1
Av

∑Ni
i=1 kifs

(2.73)

i.e., as a single-pole transfer function with a DC gain of Avki/
∑Ni

i=1 ki and a pole at
fs

∑Ni
i=1 ki/Av, which is displaced away from its ideal DC position.
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Figure 2.31 Active-RC integrator with Ni input paths and finite amplifier gain Av.

Assuming that
∑Ni

i=1 ki ∼ 1 for all integrators in the CT-��M, the NTF degraded by
finite amplifier gain can be derived following a procedure similar to that described in
Section 2.2 for SC-��Ms. The in-band noise of a second-order CT-��M as that shown
in Figure 1.36 can be thus obtained as [2],

IBN2(Av) ≈ �2

12

1

(kqk1,NRZ)2

(
2π2

3Av
2OSR3 + π4

5OSR5

)
(2.74)

which matches Equation 2.7 for DT implementations taking into account that the DT–CT
equivalence yields k1,NRZ = a1a2 –see Equation 1.64.14

Similarly, the in-band noise of an Lth-order CT-��M with distributed feedback under
the influence of leaky integrators yields [2],

IBNL(Av) ≈ �2

12

1

(kqk1,NRZ)2

[
Lπ2(L−1)

(2L − 1)Av
2OSR(2L−1)

+ π2L

(2L + 1)OSR2L+1

]
(2.75)

which again matches Equation 2.9 if k1,NRZ = ∏L

i=1 ai is accounted for in the DT–CT
equivalence.

Finally, if a 2-1-1 cascade CT-��M is considered, the in-band noise under the influence
of finite amplifier gain yields [2],

IBN211(Av) ≈ �2
1

12

1

(kqk1,NRZ)2

4π2

3A2
vOSR3 + �2

2

12

1

c2
1

π4

5A2
vOSR5

+ �2
3

12

1

(c1c2)
2

(
π6

7A2
vOSR7 + π8

9OSR9

) (2.76)

which again matches Equation 2.10 of the equivalent SC-��M.
Note that the conclusions derived in Section 2.2 for the influence of finite amplifier

gain on the performance of DT-��Ms with either single-loop or cascade topologies are
thus directly applicable to the CT case.

14 Note that the notation adopted in Figure 1.36 [2] in terms of distributed feedback coefficients ki facilitates the
equivalence of expressions for the effect of loop filter nonidealities in both DT and CT domains.
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2.13 Time-Constant Error in CT-��Ms

As discussed in Section 2.3, deviations of the integrator gain coefficients from their nom-
inal values due to variations in technological process parameters affect the performance
of ��Ms differently depending on the modulator architecture. Single-loop topologies
exhibit a quiet robust performance against integrator gain variations, whereas cascades
suffer from the leakage of low-order-shaped quantization noise. However, the impact of
this nonideality in SC-��Ms is not critical, as integrator gains are implemented as capac-
itor ratios and thus make use of components with a matching better than 0.1% in present
CMOS processes.

Conversely, as shown in Section 1.8, integrator gains in CT-��Ms are mapped into
1/(RC ) or gm/C values, involving thus absolute component values. Tolerances of
10—20% are not unusual in present CMOS technologies under process and temperature
variations, which increases the possible variation of integrator gains to more than 30%
[2]. Although the nature of the nonideality is essentially the same as for DT-��Ms—that
is, an integrator gain error—the magnitude of its impact can be clearly foreseen to be
considerably larger on CT-��Ms.

If a tolerance εRC is accounted for in the time constant of an active-RC integrator, the
transfer function of the ith input path to the output modifies to [2],

ITFi,RC(s) = 1

sRiCI(1 + εRC)
= ki

(1 + εRC)

fs

s
(2.77)

which can be used for recomputing the NTF and the IBN of a particular CT-��M
architecture under the influence of this nonideality—assuming a modulator linear model.

For an Lth-order CT-��M with distributed feedback, the IBN can be thus estimated
as [2],

IBNL(εRC) ≈ �2

12

1

(kqk1,NRZ)2

π2L

(2L + 1)OSR2L+1

L∏
i=1

(1 + εRCi)
2 (2.78)

where εRCi refers to the time-constant error of the ith integrator. Note that the equation
above is similar to Equation 2.13 for the influence of integrator gain errors in DT-��Ms,
taking into account that k1,NRZ = ∏L

i=1 ai in the DT–CT equivalence.
For a 2-1-1 CT cascade, the IBN under the influence of time-constant errors yields [2],

IBN211(εRC) ≈ �2
1

12

1

(kqk1,NRZ)2

π4

5OSR5 (εRC1 + εRC2)
2 + �2

2

12

1

c2
1

π6

7OSR7 ε2
RC3

+ �2
3

12

1

(c1c2)
2

π8

9OSR9 (1 + εRC4)
2

(2.79)

which is again similar to Equation 2.79 for the equivalent SC-��M.
Figure 2.32 shows simulation results for the impact of time-constant errors on the perfor-

mance of single-loop and cascade CT-��Ms, and compares them with the approximated
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Figure 2.32 Simulation results for the in-band noise of CT-��Ms under the influence of time-
constant errors: (a) second-order single-loop, (b) third-order single-loop and (c) 2-1-1 cascade.
Simulation results have been obtained for an input signal with Pin = −20 dBFS and fin = Bw/3
and for an NRZ rectangular feedback. Approximated results have been obtained from Equations 2.78
and 2.79.

expressions in Equations 2.78 and 2.79.15 Note from the simulation results that single-loop
modulators are affected by time-constant errors in two different ways:

• For positive tolerances (εRC > 0), the integrator gain coefficients ki in Equation 2.77
are reduced–or, similarly, coefficients ai in the equivalent DT-��M. This leads only
to less aggressive noise shapings and thus to an increase of the IBN.

15 To achieve accurate matching between analytical and simulation results for large error gains, the effective
quantizer gain of single-bit ��Ms in Equation 1.32 has to be modified to [2],

kq =
⎧⎨
⎩

(1 + ε1)/a1, single-bit first-order ��M

2(1 + εL)/aL, single-bit Lth-order ��M
(2.80)

where εL is the error in the last integrator gain.
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• For negative tolerances (εRC < 0), integrator gain coefficients are increased, leading to
more aggressive noise shapings. Therefore, after a short decrease of the IBN, negative
time-constant errors reduce the modulator overload level and jeopardize its stability, as
clearly visible for the third-order loop in Figure 2.32b.

The larger sensitivity of CT-��Ms to component tolerances is also noticeable from
Figure 2.32c. Note that the IBN of the 2-1-1 cascade with OSR = 32 increases nearly
30 dB for a time-constant error of 20%.

Concluding, the design of high-order single-loop CT-��Ms is in practice more limited
by their tendency to instability (for εRC < 0) than by the degradation of the IBN (for
εRC > 0). Therefore, if no countermeasures are taken against the influence of gain errors,
less aggressive noise shapings must be implemented using a set of scaling coefficients
that are nonoptimal in terms of the modulator performance, but for which stability can
be guaranteed over all the εRC possible variations [36, 37].

Alternatively, time-constant errors can be reduced in CT-��Ms by tuning the
absolute value of passive components with programmable banks of capacitors [30] or
resistors [38].16

Conversely to tuning the analog filter, cascade architectures also offer the possibility of
digitally correcting the error cancelation logic to reduce the power of low-order-shaped
quantization noise that leaks to the modulator output [39]. Digital correction techniques
have been successfully used for reducing the impact of time-constant errors in CT-��Ms
[40, 41].

2.14 Finite Integrator Dynamics in CT-��Ms

The influence of finite amplifier GB can be easily incorporated into CT modulators by
replacing the amplifier in Figure 2.31 by a single-pole model,

A(s) = Av

1 + s
wA

, with GB = AvωA (2.81)

where ωA is the dominant pole of the amplifier inside the integrator. The integrator transfer
function of the ith input path to the output is thus modified to [2],

ITFi,GB(s) ≈ kifs

s

GB

GB+∑Ni
i=1 |kifs|

1 + s

GB+∑Ni
i=1 |kifs|

(2.82)

where an integrator gain error arises due to the finite amplifier GB, as well as a second
pole. For the sake of clarity, the modified ITF can thus be rewritten as,

ITFi,GB(s) ≈ ki

(1 + εGB)

fs

s

1(
1 + s

ωp

) , with

⎧⎨
⎩

εGB = ∑Ni
i=1 ωIi/GB

ωp = GB + ∑Ni
i=1 ωIi

(2.83)

where ωIi = |kifs|.
16 Transconductance tuning in gm-C filters and MOSFET tuning in MOSFET-C implementations are also widely
used in CT analog filter design. However, they are not usually used in CT-��Ms, because the nonlinearity
associated with active components considerably limits the modulator performance [30].
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Regarding Equation 2.83, the influence of the second integrator pole is often neglected
to derive closed-form expressions for the influence of finite amplifier GB on CT-��Ms.
In that case, the expressions for the IBN due to finite GB can be approximated
from the corresponding expressions for the gain error introduced by time-constant
variations—Equations 2.78 and 2.79—just by replacing εRC with the expression for
εGB in Equation 2.83. The observations already made in Section 2.13 on the different
sensitivity of single-loop and cascade architectures and on possible correction techniques
also apply here.

The former approximation can a priori be considered too coarse, but it provides results
that are in accordance to the simulation of NRZ CT-��Ms if the amplifier GB is not
very low (GB ≥ fs) [2].

However, finite amplifier GB is a typical nonideality concerning the dynamics of a
��M and, as such, by changing the shape and the dynamic behavior of the feedback
pulses, its influence on the modulator performance is expected to change [2]. Conversely,
not much published work exists that extends the basic single-pole model in Equation 2.81
and/or applies it to different feedback pulse forms [42]. Even less literature exists for the
influence of the finite amplifier SR on the performance of CT-��Ms and most designs
strongly rely on simulations. The reason for that may be found in the fact that, generally
speaking, CT-��Ms can work with a finite amplifier GB and SR in the integrators lower
than SC implementations (see Section 2.4.2 and 2.4.3), due to the lack of high-current
peaks of the latter.

2.15 Circuit Noise in CT-��Ms

As discussed in Section 2.5, circuit noise strongly impacts the in-band noise of SC-
��Ms due to the aliasing of broadband noise components that are sampled together with
the modulator input signal. Conversely, sampling capacitors are not used in purely CT-
��Ms, so that kT/C noise is not present, which is a clear advantage. Broadband noise
components are thus filtered before they get to the sampler, so that the foldover effect is
attenuated by the modulator noise shaping [2].

Let us consider the active-RC integrator in Figure 2.33 to be the front-end integrator of a
CT-��M. Two input branches are considered: one for the modulator input signal (vin) and

Rin

CI

vin

vamp

vo

vfb

RDAC
vRDAC

vRin

−

+

Figure 2.33 Circuit noise sources in a CT active-RC integrator with two input paths. Single-ended
version.
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the other for the DAC feedback signal (vfb). Resistors thermal noise and amplifier noise
have been incorporated to the scheme in Figure 2.33.17 On the one hand, each resistor has
a noise voltage source vRi

in series, whose PSD in a single-sided representation is thus

SRi
= 4kTRi (2.84)

where k is Boltzmann’s constant and T is the absolute temperature. On the other hand,
the voltage source vamp represents the amplifier input noise. As illustrated in Figure 2.16,
it is basically determined by a broadband thermal component and a narrowband 1/f

component, so that Samp(f ) is given by Equation 2.36.
Adding up the former circuit noise components in the CT integrator, the total input-

referred noise PSD yields [25, 26]

Snoise,in(f ) ≈ 2

(
SRin

+ SRDAC

R2
in

R2
DAC

)
+ Samp(f )

[
(2πf RinCI)

2 +
(

1 + Rin

RDAC

)2
]

(2.85)

where the factor 2 before the brackets accounts for the actual fully-differential imple-
mentation of the CT integrator, in which the number of resistors doubles compared with
the single-ended scheme in Figure 2.33. Replacing Equations 2.84 and 2.36 in 2.85, the
total input-referred noise PSD of the front-end integrator of the CT-��M can thus be
approximated to:

Snoise,in(f ) ≈ 8kT

(
Rin + RDAC

R2
in

R2
DAC

)

+ Samp,th

(
1 + fcr

f

) [
(2πf RinCI)

2 +
(

1 + Rin

RDAC

)2
] (2.86)

The input-referred IBN of a CT-��M due to circuit noise can be easily obtained by
integrating the former equation over the input signal bandwidth, yielding

IBNnoise =
Bw∫
0

Snoise,in(f )df ≈ 8kTRinBw

(
1 + Rin

RDAC

)

+ Samp,th

[
Bw + fcr ln

(
Bw

f0

)](
1 + Rin

RDAC

)2

(2.87)

in which the 1/f noise component has been integrated from a frequency f0 > 0 to exclude
DC. Taking into account that RinCI = 1/fs = 1/(2BwOSR), resulting terms that are pro-
portional to OSR−2 have been neglected in the final calculation [2].

For a CT-��M to achieve a given noise performance, the sum of all three compo-
nents in Equation 2.87 have to meet the demanded noise floor. Note that, to reduce

17 The noise associated with the DAC reference voltage is not considered here for simplicity, but it can be
incorporated in a similar way to the amplifier noise [25, 26].
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Figure 2.34 Main sources of distortion in a fully-differential active-RC integrator.

the contribution of the resistors’ thermal noise, the integrator resistance at the modula-
tor input must be decreased, which results in a larger power consumption, given that
fs = 1/(RinCI). To reduce the amplifier noise, its transconductance can be increased (for
the white noise component) and the size of the input transistors can be increased (for the
flicker component).

2.16 Sources of Distortion in CT-��Ms

The linearity of a CT-��M is ultimately limited by that of the input stage and by signal-
dependent errors arising from the feedback DAC. Both sources of distortion are briefly
discussed next.

2.16.1 Nonlinearities in the Front-End Integrator

As stated in Section 2.7, the linearity of a �� modulator is ultimately limited by the non-
linearities associated with the first integrator. Therefore, for medium- and high-resolution
CT-��Ms, active-RC integrators are usually employed at the modulator front end rather
than Gm-C integrators [2, 25, 43], because a more linear voltage-to-current conversion
can be obtained in practice with resistors than with active devices.

Similarly as done in Figure 2.18 for SC implementations, Figure 2.34 illustrates the
main sources of distortion in an active-RC integrator, in which the amplifier usually plays
the dominant role, due to the high linearity achieved by passive devices in present mixed-
mode technological processes. On the contrary, the DC gain of an amplifier exhibits in
practice a high dependency on the common-mode output voltage due to degradation of its
output impedance, as illustrated in Figure 2.19. Moreover, nonlinearities in the differential
input pair of the amplifier are accentuated by the finite DC gain. In [43] it is shown how
a small residue differential voltage at the input pair due to finite gain is modulated and
the third-order harmonic distortion is derived as

HD3 ≈ 1

64gmR3
inI

2
B

(
1 + Rin

RDAC

)
A2

in (2.88)

where Rin is the input resistor, RDAC is the feedback resistor, and gm and IB are, respec-
tively, the transconductance and the bias current of the input transistors of the amplifier.
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Note from the equation earlier that the modulator linearity can be considerably improved
by increasing Rin as much as the thermal noise limit allows–see Equation 2.87. Although
with lower efficiency, a larger amplifier input transconductance also benefits linearity and
at the same time helps to reduce thermal noise.

2.16.2 Intersymbol Interference in the Feedback DAC

In practical realizations of CT-��Ms, besides timing errors due to emerging excess loop
delay (see Section 2.10) and nonlinearities arising from mismatches between the output
levels of multibit DACs (see Section 1.6), the implemented feedback DAC also exhibits
SR limitations as well as different rise and fall times. These nonidealities cause additional
errors that directly add to the modulator input and tend to degrade the performance, unless
they are made small enough.

For the case of CT-��Ms employing an NRZ-DAC, these nonidealities introduce
intersymbol interference (ISI) [44], as illustrated in Figure 2.35a. Note that any limita-
tion on the DAC SR or mismatch between its rise and fall times makes the area of one
1-symbol differ from half of the area of two consecutive 1-symbols. Therefore, the result-
ing errors in the feedback charge depend on the modulator output sequence and thus
create a signal-dependent distortion that limits the modulator performance.

The most common solution to avoid ISI is to resort to RZ feedback pulses, so that, in
spite of different rise and fall times in the DAC response, the error remains constant in
every clock period and independent of the output sequence, as shown in Figure 2.35b. This
way, the resulting error can be compensated by tuning the modulator scaling coefficients
[2], similarly to the compensation of pure ELD already discussed in Section 2.10.

(a)

(b)

+IDAC

−IDAC

+IDAC

−IDAC

I(t)

I(t)

t

t
−1 −1

−1−1

+1 +1 +1
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Figure 2.35 Influence of the DAC slew rate limitation on the feedback charge for: (a) NRZ DAC,
causing a signal-dependent charge error (ISI) and (b) RZ DAC, causing a constant charge error.
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2.17 Case Study: High-Level Sizing of a ��M

For the sake of illustration, this section provides guidelines on how to face the design
of a �� modulator to fulfill a given set of specifications by means of the closed-form
expressions and the behavioral models previously derived in the chapter. The impact of the
different circuit nonidealities on the ��M performance will be considered in a cumulative
way, trying to map the modulator specifications onto the electrical requirements of its main
building blocks in a top-down design methodology–often referred to as the high-level
sizing of a ��M.

This approach will be exemplified on a 2-1-1 cascade SC-��M operating at 100-MHz
clock frequency intended to achieve an effective resolution of around 12bit in the A/D
conversion of low-pass signals with 4-MHz bandwidth. To that purpose, let us consider
the Z-domain block diagram of a 2-1-1 DT cascade illustrated in Figure 1.23, together
with the modulator scaling coefficients in the first column of Table 1.2 [6]. Let us also
assume a modulator full-scale range of 2V.

Ideal Modulator Performance

The ideal in-band quantization error of the 2-1-1 cascade ��M can be particularized
from Equation 1.44 to:

IBNQ = �2
3

12

1

(c1c2)
2

π8

9OSR9 (2.89)

If single-bit quantization is used in the three cascaded stages (B1 = B2 = B3 = 1),
Equation 2.89 yields an IBNQ of −67.2 dB for �3 = 2 (as B3 = 1) and OSR = 12.5 (as
fs = 100 MHz and Bw = 4 MHz). Therefore, an oversampling ratio of 12.5 is clearly
insufficient only in combination with a fourth-order shaping for the cascade to achieve
the required IBN; e.g., −83 dB for a 13-bit ENOB, as obtained from Equations 1.19
and 1.20.

Taking advantage of the easiness to employ dual-quantization schemes in cascade
��Ms (see Section 1.6.3), IBNQ can be easily reduced by resorting to a multibit quantizer
in the last stage. For B3 = 3, the last-stage quantization step reduces to �3 = 2/(23 − 1)

and IBNQ thus yields −84.1 dB. Figure 2.36 illustrates the spectra of the �� cascade
for an input sinusoid of −6 dBFS at 1.33 MHz (fin = Bw/3). The figure compares the
spectrum of the overall output of the fourth-order multibit cascade (labeled as 211mb)
with those of its partial second- and third-order single-bit outputs (labelled as SL2 and 21,
respectively). The increase in the shaping order is evident from the slopes of the spectra,
whereas the reduction of the quantization error power for the multibit case is noticeable
at the high-frequency region.

Figure 2.37 illustrates a possible implementation of the 2-1-1 multibit ��M using fully-
differential SC techniques. Note that only the mixed-signal section of the cascade is shown,
whereas the required digital filtering to combine the stage outputs (Y1, Y2, and Y3) and to
ideally cancel the lower-order quantization errors is omitted–see Figure 1.23. Note also
that the stages would operate with a differential reference voltage Vref = Vref+ − Vref- = 1V
to obtain the 2-V differential full-scale range. The values of the sampling and integrating
capacitors in Figure 2.37 are expressed as multiples of a unit capacitor Cu, whose ratios
implement the modulator scaling coefficients in the first column of Table 1.2 [6]. To
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Figure 2.36 Illustration of the second-, third-, and fourth-order shaping in the 2-1-1 ��M. Quan-
tization noise in the three �� stages is considered as the only source of error. Input signal with
Pin = −6 dBFS and fin = Bw/3.

adapt them to the multibit quantization in the last stage, the corresponding coefficients
are doubled (g4 = 2, g

′
4 = g

′ ′
4 = 1 in the multibit case).

Noise Leakages

As discussed in Section 1.6.1, errors in the multibit DAC will be mostly determined by
the mismatching between its unit elements, which would be resistors for the SC-��M
in Figure 2.37. From Equation 1.48 worst-case errors in the 3-bit DAC output can be
estimated as,

εDAC ≈ 1

2
√

2B3
(3σR) (2.90)

where σR represents the relative error in the value of the unit resistor and three sigmas
are considered. Thanks to the dual-quantization scheme these errors are injected at the
last-stage input and will be third-order shaped at the modulator output, so that their
contribution to the total IBN can be estimated from Equation 1.50 as:

IBNDAC ≈ ε2
DAC

1

(c1c2)
2

π6

7OSR7 (2.91)

Assuming a standard deviation of 0.1% in the unit resistors–which is a reasonable value
in present-day mixed-signal CMOS processes–IBNDAC equals −113.6 dB; that is, it is
negligible compared with IBNQ = −84.1 dB.

As discussed throughout this chapter, cascade ��Ms are especially sensitive to leakages
of low-order quantization errors due to circuit-level nonidealities. For the case of SC ��

cascades, the most critical error mechanisms are the finite gain of the amplifiers and the
mismatching between the unit capacitors used for implementing the modulator coefficients.
Figure 2.38 illustrates the impact of noise leakages on the output spectrum of the 2-1-1
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Figure 2.38 Effect of noise leakages on the modulator output spectrum (Av = 65 dB, σC = 0.1%,
σR = 0.1%). Input signal with Pin = −6 dBFS and fin = Bw/3.

multibit ��M for a DC gain of 65 dB in the amplifiers and a capacitor mismatch of
0.1%, in addition to the multibit DAC errors. Results are compared with a purely ideal
behavioral simulation only considering quantization errors (as done in Figure 2.36). The
integrated error powers versus frequency are also included for comparison purposes. Note
that, in spite of the degradation of the ideal shaping performance due to noise leakages,
the resulting error power integrated in the 4-MHz bandwidth (−82.6 dB) is only slightly
larger than the simulated IBNQ (−84.1 dB). The influence of both error mechanisms can
be separately estimated from Equations 1.19 and 1.20 as:

IBNAv
≈ �2

1

12

1

(kqa1a2)
2

4π2

3A2
vOSR3 + �2

2

12

1

c2
1

π4

5A2
vOSR5 + �2

3

12

1

(c1c2)
2

π6

7A2
vOSR7 (2.92)

IBNσC
≈ �2

1

12

1

(kqa1a2)
2

π4

5OSR5 (2 • 3σC)2 + �2
2

12

1

c2
1

π6

7OSR7 (3σC)2 (2.93)

The increase in the modulator IBN due to integrator leakages can thus be estimated as
−91.3 dB for Av = 65 dB, whereas that due to capacitor mismatch equals −91.0 dB for
σC = 0.1%.18

The former equations can also be employed to evaluate the influence of noise leakages
on the performance of the 2-1-1 ��M under different clock rates and multibit quanti-
zations. This is illustrated in Figure 2.39, which shows the effective resolution of the
�� cascade against B3 for varying OSR. Note that the ENOB curves tend to saturate in
the presence of nonidealities, leading to a practical useful limit of multibit quantization.
However, for the values assumed for the nonideal parameters Av, σC, and σR, the initial

18 Note that the closed-form expressions in Equations 2.91, 2.92, and 2.93 provide an accurate estimation of the
increase in the modulator IBN, because the result obtained from IBNQ + IBNDAC + IBNAv

+ IBNσC
(−84.1 dB −

113.6 dB − 91.3 dB−91.0 dB = −82.7 dB) is in great accordance with behavioral simulation results in Figure 2.38
(−82.6 dB).
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selection of B3 = 3 for OSR = 12.5 provides a good trade-off for achieving the targeted
modulator performance.19

Circuit Noise

As discussed in Section 2.5, the contribution of circuit noise to the overall IBN is dom-
inated by the front-end integrator. Only kT/C noise and amplifier thermal noise will be
considered in this high-level sizing of the 2-1-1 SC-��M.

On the one hand, the kT/C noise budget determines the minimum value of the sampling
capacitor (CS) to be used. A small value will be selected to reduce the capacitive load
of the integrators and, hence, their settling requirements. This noise contribution can be
estimated from Equation 2.40 as:

IBNkT/C ≈ 4kT

CSOSR
(2.94)

For CS = Cu = 0.4 pF in the front-end integrator (Figure 2.37), IBNkT/C equals −84.8 dB;
that is, it yields an in-band contribution similar to that of the ideal quantization noise.20

On the other hand, the contribution of the amplifier thermal noise can be estimated
from Equation 2.40 as,

IBNamp,th ≈ Samp,th

GBφ2

4OSR
(2.95)

which requires knowing a priori the amplifier gain-bandwidth product to quantify the
foldover effect. The required GBφ2

can be estimated by means of considering the integrator

19 Note that a selection of B3 = 2 for OSR = 14 (fs = 112 MHz) leads to a similar modulator ENOB under the
influence of the same nonidealities.
20 A similar budget is often allocated for IBNQ and IBNkT/C to optimize the power consumption of SC-��Ms.
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settling error as a linear gain error, as discussed in Section 2.4.2. Therefore, the in-band
noise due to limited linear dynamics21 can be obtained similarly to Equation 2.96 as,

IBNst ≈ �2
1

12

1

(kqa1a2)
2

π4

5OSR5 (2εst)
2 + �2

2

12

1

c2
1

π6

7OSR7 (εst)
2 (2.96)

where εst represents the gain error, given by:

εst ≈ e−π
GBφ2

(Hz)

fs (2.97)

For GBφ2
≈ 2.1fs (around 200 MHz), IBNst equals −96.8 dB. This value is considerably

smaller than IBNQ and IBNkT/C to have some margin in the noise budget for allocating
more accurate settling error estimations in the next steps.

Based on this value of GBφ2
for settling considerations, the input-referred thermal noise

of the amplifier can be estimated for a given noise budget. For Samp,th = (6 nV/
√

Hz)2,
IBNamp,th equals −90.3 dB. The total in-band white noise will be thus dominated by kT/C

noise and can be obtained to equal −83.7 dB.

Settling Error

Assuming that the parasitics at the amplifier input and output nodes are CP = 0.1 pF and
CL = 0.5 pF respectively, the equivalent load at the amplifier output during integration
can be obtained from Equation 2.16

Ceq,φ2
= CP + CS + CL

(
1 + CP + CS

CI

)
(2.98)

to be around 1.2pF. Formerly, the required amplifier GB was estimated considering only
a linear settling error to be GBφ2

= 2.1fs. According to Equation 2.27, the amplifier
transconductance for a dominant-pole model yields around 1.5mA/V.

Figure 2.40 shows simulation results for the considered 2-1-1 ��M using the behav-
ioral model for the transient response of SC integrators presented in Section 2.4.1, which
accurately accounts for both linear and nonlinear integrator dynamics. The simulated mod-
ulator IBN against the amplifier transconductance is shown in Figure 2.40a for different
values of the amplifier output current. Note that, for gm = 1.5 mA/V, the modulator perfor-
mance is not limited by nonlinear integrator dynamics as long as Io ≥ 250 μA. According
to Equation 2.27, the required amplifier SR can be estimated as

SRφ2
(V/s) =

(
1 + CP + CS

CI

)
So

Ceq,φ2

(2.99)

to be around 275V/μs.
Figure 2.40b illustrates the effect of the amplifier limited output current on the mod-

ulator output spectra for a −6 dBFS@1.33 MHz input tone. Note that, for Io ≤ 250 μA,
the limited amplifier SR clearly degrades the shaping performance of the modulator.

21 Assuming thus nonlimited nonlinear settling; i.e., infinite SR.
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Figure 2.40 Influence of the amplifier dynamics on the modulator performance: (a) IBN against
the amplifier transconductance for different values of the amplifier output current and (b) out-
put spectrum for gm = 1.5 mA/V and different amplifier output currents. Input signal with Pin =
−6 dBFS and fin = Bw/3. Noise leakages and thermal noise are also accounted for in the behavioral
simulations.

Overall High-Level Sizing and Noise Budget

Table 2.1 summarizes the electrical specifications of the main modulator blocks derived in
the presented high-level sizing of the 2-1-1 SC-��M. Accordingly, Table 2.2 shows the
selected noise budget for achieving the targeted resolution of 12 bit at 4-MHz conversion
bandwidth. According to the closed-form expressions used, the total in-band noise is
−80.1 dB, leading to a DR of 77.1 dB (12.5 bit).

Note from Table 2.1 that the derived requirements apply for the front-end integrator,
whereas those of the remaining integrators can be usually scaled down to some extent.
Extensive behavioral simulations are often performed for this purpose.
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Table 2.1 High-level sizing of the 2-1-1 SC-��M

Modulator Topology 2-1-1

Dual quantization, B1, B2, B3 1 bit, 1 bit, 3 bit
Signal bandwidth, Bw 4 MHz
Clock frequency, fs 100 MHz
Oversampling ratio, OSR 12.5
Reference voltage, Vref 1V

Front-end integrator Unit capacitor, Cu 0.4 pF
Capacitor standard deviation, σC 0.1%
Sampling capacitor, CS 0.4 pF
Integration capacitor, CI 1.6 pF

Front-end amplifier DC gain, Av 65 dB
Input capacitor, CP 0.1 pF
Output capacitor, CL 0.5 pF
Equivalent output load, Ceq,φ2

1.2 pF
Transconductance, gm 1.5 mA/V
Gain-bandwidth product, GBφ2

206.5 MHz (= 2.1fs)

Slew rate, SRφ2
275 V/μs (= 2.7Vreffs)

Input-referred thermal noise, Samp,th (6 nV/
√

Hz)2

Output swing ±Vref

Last-stage quantizer Resistor standard deviation, σR 0.1%

Table 2.2 Noise budget for the high-level sizing of the 2-1-1 SC-��M proposed in Table 2.1

Quantization noise −84.1 dB

Multibit DAC error −113.6 dB
Integrator leakage −91.3 dB
Capacitor mismatch −91.0 dB

Total noise leakages −88.1 dB

Settling error (linear) −96.8 dB

kT/C noise −84.8 dB
Amplifier thermal noise −90.3 dB

Total thermal noise −83.7 dB

Total in-band noise −80.1 dB

Note also that the generated distortion has not been strictly evaluated, so that the
derived values for the gain and SR of the front-end amplifier may increase depending on
the involved nonlinearities not to degrade the modulator SNDR.

However, the requirements obtained for the modulator blocks can be used as the starting
point for their electrical design. A bottom-up approach is then often followed to ensure
the fulfillment of the targeted modulator specifications.
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2.18 Summary

In this chapter, the main error mechanisms degrading the performance of SC- and CT-
��Ms have been analyzed. These errors are caused by nonidealities affecting the circuit
implementation of the modulator analog blocks and produce extra error components that
add to the in-band quantization error noise that can severely limit the modulator perfor-
mance. Therefore, nonidealities have been studied in detail and behavioral models and, if
possible, practical closed-form expressions have been presented to estimate their influence
on the ��M behavior.

Errors modifying the noise transfer function of the ��M have been analyzed, such
as the finite amplifier gain, capacitor mismatch, and integrator settling for SC-��Ms,
and excess loop delay and time-constant error for CT-��Ms. As shown, single-loop
modulator topologies are less sensitive to these errors than cascades, which suffer from
noise leakage.

Nonidealities whose effect can be modeled as an additive noise source at the modulator
input have been studied, such as circuit noise and clock jitter in both SC- and CT-��Ms.
The main sources of distortion in both types of modulator implementation have also been
addressed.
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3
Behavioral Modeling and
High-Level Simulation
The analysis of nonideal effects described in Chapter 2 allows us to derive precise equiv-
alent circuits and models for the different ��M building blocks. This chapter shows how
these models can be used for improving the accuracy and computational efficiency of
system-level simulations. This constitutes an essential tool for the systematic design of
��Ms as will be described in Chapter 4.

This chapter is organized as follows. Section 3.1 describes the systematic top-
down/bottom-up synthesis methodology commonly followed to design ��Ms.
Section 3.2 compares the different simulation approaches that can be used for the
evaluation of ��Ms, emphasizing on the benefits of behavioral simulation techniques.
Section 3.3 focuses on the behavioral modeling technique and Section 3.4 shows an
efficient way of implementing ��M block models in SIMULINK. Finally, Section 3.5
presents SIMSIDES, a time-domain behavioral simulator implemented in the MAT-
LAB/SIMULINK environment that is based on the behavioral modeling techniques
described in this chapter. Finally, two case studies are described in Section 3.6 to
illustrate the use of SIMSIDES for the high-level sizing and simulation of ��Ms.

3.1 Systematic Design Methodology of �� Modulators

One of the most common approaches used for the systematic design of high-performance
��Ms is based on the well-known top-down/bottom-up hierarchical synthesis method-
ology, conceptually illustrated in Figure 3.1a [1]. In this approach, a given system is
divided into several hierarchical levels so that at each abstraction level of the system
hierarchy, a design (or sizing) process takes place, thus transmitting (or mapping) the
system specifications in a hierarchical way, from the top level to the bottom level. The
reverse path in Figure 3.1a corresponds to the hierarchical bottom-up verification process
of the system performance [2].

3.1.1 System Partitioning and Abstraction Levels

Figure 3.1b depicts the hierarchical synthesis methodology that is usually adopted in the
design of ��Ms. The system is partitioned in the following hierarchical levels [1–5]:

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.



Behavioral Modeling and High-Level Simulation 111

Top level

Bottom level

Level i

Level i-1

Sizing

Sizing

Sizing

High-Level sizing

Topology selection

Cell-Level sizing

Schematic and layout
implementation

Verification

Verification

V
er

if
ic

at
io

n

V
er

if
ic

at
io

n

D
es

ig
n

D
es

ig
n

Verification

ΔM
specifications

Architectural
level

Buliding-block
level

Cell level

Physical level

(a) (b)

∑

Figure 3.1 Hierarchical synthesis methodology: (a) Conceptual block diagram and (b) system
partitioning commonly used in ��Ms.

• Architecture or Topology Level: that is, single-loop or cascade ��M, single-bit or
multibit quantization, low-pass or band-pass, DT or CT implementation, etc.

• Subcircuit or Building-Block Level: that is, amplifiers, transconductors, comparators,
capacitors, resistors, switches, etc.

• Cell Level: that is, the circuit topology of a given building block, for instance folded-
cascode or telescopic cascode OTA, SC or current-steering DAC, nMOS or CMOS
switches, etc.

• Physical Level: which covers from transistor-level schematics to the layout and chip
implementation.

The design process of a ��M starts from the system-level specifications, that is, the
effective resolution (ENOB) and the signal bandwidth (Bw). The first goal is to find
out the best modulator topology that fulfills these specifications with minimum power
dissipation. To this purpose, initial ideal design equations of NTF and IBN—which are
based on a linear model of the embedded quantizers as described in Chapter 1—are used
for calculating approximate values for the main ��M parameters, that is, OSR, L, and B.
Once these parameters are known, the architecture topology can be synthesized using more
accurate nonlinear model equations. To this purpose, Schreier’s MATLAB Delta-Sigma
toolbox [6, 7] is widely used in the �� community. Usually, there are several topologies
which are a priori good candidates to meet a given set of modulator specifications.

In order to determine the best ��M architecture, some analytical procedures are nor-
mally used for estimating the power consumption of the different ��M topologies [8].
These procedures are based on compact expressions of the in-band noise power, similar
to those derived in Chapter 2, which contemplate both architectural and technological
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features, and include the impact of some critical circuit errors such as thermal noise,
finite OTA DC gain (or equivalent), and incomplete settling (GB and SR). Recent works
demonstrate that nonlinearities can be efficiently incorporated in the Schreier’s toolbox
in order to fine tune this architectural exploration procedure [9].

On the basis of the system-level estimation of the power consumption, a ranking of
different candidate ��M architectures can be determined in order to decide the most
suitable topology. Other important criteria at this step are the sensitivity to circuit element
tolerances and mismatch (especially important in CT cascade topologies), the modulator
loop-filter stability (particularly critical in high-order single-loop topologies), and/or the
impact of the feedback DAC nonlinearity in multibit ��Ms.

3.1.2 Sizing Process

Once the modulator architecture has been selected, the next step consists of mapping
the modulator-level specifications (ENOB and Bw) onto building-block specifications,
that is, amplifier finite DC gain, output swing, GB, SR, etc. In this system-level design
process—commonly referred to as high-level sizing—the design parameters are the elec-
trical specifications of the different ��M subcircuits, namely, amplifiers, transconductors
(in CT-��Ms), comparators, switches, and passive elements, that is, capacitors, resistors,
and even inductors in the case of some BP-��Ms [10]. The result of this multidimen-
sional design space exploration constitutes the start point of the electrical or cell-level
sizing process where, after selecting the appropriate topology for every ��M subcircuit,
the corresponding transistor sizes and bias currents are obtained.

Therefore, as shown in Figure 3.1b, the design methodology of ��Ms can be essentially
divided into two main sizing processes: high-level sizing and cell-level sizing. Both of
them are tasks that require a multitude of redesign iterations until the specifications at
each level are met [11]. This procedure is conceptually depicted in Figure 3.2 [5]. At each
iteration the performance of the circuit is evaluated at a given point of the design space,

Specifications

End

YES

NO

Start design
point

Design parameter
update

Specifications
achieved ?

Performance evaluation

Figure 3.2 Iterative procedure usually followed for high-level sizing and cell-level sizing.
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the design parameters are modified according to such an evaluation, and the procedure
is repeated. Note that, although this procedure is the same in both high-level sizing
and cell-level sizing, the design problem and its formulation is different in both cases.
High-level sizing is a system-level synthesis process where the inputs variables are the
system-level (modulator) specifications and the output variables are the building-block
electrical specifications (design parameters). The latter specifications constitute the input
variables for the cell-level sizing process.

The design parameter selection in Figure 3.2 can be carried out “manually,” that is,
the entire design space is searched by considering all possible combinations of design
parameters. In this case, once the whole design space has been completely explored and
checked, the best design can be selected among those that meet the required specifica-
tions with the lowest (estimated) power dissipation and area. However, this “vast force”
search approach is quite inefficient—and even unfeasible in many cases—in terms of
computational resources and CPU time.1 Instead, an optimization engine is normally used
for guiding the exploration of the design space. To this purpose, diverse algorithms such
as simulated annealing [12] or genetic algorithms [4] may be used for the optimization.
Usually, the same optimization methodology—normally based on the formulation and
minimization of a design-oriented cost function—is used in both sizing tasks, that is,
high-level sizing and cell-level sizing [3].

Different performance-evaluation strategies can be followed in Figure 3.2. Essentially,
the cost function can be evaluated by means of equations or simulations [1]. Although
the former is much faster than the latter, the accuracy of the results strongly depends
on the topology, that is, the ��M architecture (for high-level sizing) and the circuit
schematic (for cell-level sizing). For that reason, the most common approach followed by
the ��M community has been based on using simulation as performance evaluation [3–5,
13–19]. However, in contrast to the optimization process—which is used in both sizing
tasks—a different simulation approach is considered to evaluate the performance of either
the entire (system-level) modulator or just a single building block, such as an amplifier
or a comparator (cell-level). The latter can be analyzed using an electrical (SPICE-like)
simulator with a high degree of accuracy and computational efficiency. On the contrary,
the evaluation of the system-level (modulator) performance can be carried out following
different simulation approaches discussed in the next section.

3.2 Simulation Approaches for the High-Level Evaluation of ��Ms

The high-level synthesis described above requires performing a large number of simula-
tions. Depending on the design and required specifications, hundreds or even thousands
of iterations may be needed. Therefore, in order to make this part of the design feasi-
ble, simulations should consume short CPU times. This is particularly critical in the case
of ��Ms because of their nonlinear oversampled-data nature. For that reason, in order
to compute the IBN power at the output of a ��M with enough numerical accuracy,

1 At the end of this chapter, a simulation-based high-level synthesis methodology is explained and applied to some
case studies. As will be shown, this synthesis method does not use any optimizer, and it is based on parametric
simulations for checking both isolated and cumulative effects of different building-block errors in order to evaluate
the performance of a ��M. The resulting synthesis is reasonably efficient in terms of CPU time and it can be
fine-tuned using optimization.
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a transient simulation of at least 216 clock cycles is usually required.2 Therefore, a tran-
sient analysis of a ��M using common transistor-level (SPICE-like) circuit simulation is
too slow for allowing an efficient space exploration, regardless of whether it is performed
by a manual parameter sweeps or guided by an optimizer. As an example, a 216-point
transient analysis in HSPICE of a cascade 2-1 SC-��M including the clock-phase gen-
erator and other auxiliary subcircuits takes over 85 h CPU time in a 2.2-GHz core with
4-GB RAM. This means that a synthesis process based on this performance-evaluation
approach would take months or even years! Hence, transistor-level simulation is obvi-
ously computationally unfeasible for synthesis purposes, and it is normally used only for
the final design verification, as will be discussed in Chapter 4 [19].

In addition to the long CPU times required to simulate a ��M at transistor level,
another practical issue associated with this simulation approach is related to the con-
vergence problems that typically arise in electrical simulators such as HSPICE [21] or
Spectre [22]. Moreover, transistor-level simulation is not a suited simulation method for
the high-level sizing process because the design parameters—that is, device sizes and
biasing—are hierarchically far from system-level specifications. Hence, it is quite diffi-
cult for a designer to get an insight into what is happening at the system level by running
simulations based on transistor-level models, as the impact of a given transistor width
or length has a direct impact on many different performance metrics of ��M building
blocks. For instance, the size of the input differential-pair transistor of an OTA affects
the values of finite DC gain, nonlinearity, input parasitic capacitance, GB, etc.

3.2.1 Alternatives to Transistor-Level Simulation

The above-mentioned reasons suggest that increasing the abstraction level of the sim-
ulation approach is mandatory to both speed up the simulations and work with design
parameters that are closer to the system-level specifications. However, the price to pay
for increasing the abstraction level (and consequently the simulation speed) is the loss of
accuracy. This problem has motivated the exploration of different simulation approaches in
order to optimize the trade-off between CPU time and precision—conceptually illustrated
in Figure 3.3 [4].

An alternative to the transistor-level simulation approach that also runs on electrical
simulators consists of using circuit macromodels. These macromodels are usually imple-
mented as equivalent circuits based on ideal voltage- and current-controlled sources that
allow to model the main nonideal effects. This approach has the advantage that it can
be combined with transistor-level schematics using the same (electrical) simulator. Thus,
critical parts of the system can be modeled at transistor level, whereas the remaining ones
can be modeled less accurately with macromodels, leading to what is commonly known
as a multilevel simulation technique [2]. Obviously, the simulation CPU time will increase
with the number of parts being modeled at transistor level. Therefore, in most practical

2 The FFT algorithms that are traditionally used for obtaining the output spectra of many ADCs in general, and of
��Ms in particular, are more efficiently computed if the number of points of the data sequence is a power of 2
[20]. Therefore, the number of points is often expressed as 32k point or 64k point, if 215 or 216 clock cycles are
considered, respectively.
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Figure 3.3 Comparison of simulation approaches in terms of CPU time and accuracy.

cases, the use of this approach does not imply a significant improvement with respect to
the full transistor-level simulation approach.3

As an example, Table 3.1 compares the CPU times required to simulate a fourth-order
single-loop ��M in Cadence Spectre circuit simulator, considering 215-point transient
analysis with moderate setting [22]. The modulator topology consists of a cascade of
resonators with feed-forward summation (Figure 1.31b). This architecture requires five
amplifiers to implement the four loop-filter integrators and the active adder. Simulations
were carried out considering ideal macromodels for the switches and the digital blocks
(including the clock-phase generator). It can be noted from Table 3.1 that the CPU time
increases by approximately 30–40 min with every additional amplifier that is simulated
considering a transistor-level implementation. The overall CPU time goes from 45 min
required to simulate the entire system with macromodels to 4 h when all amplifiers are
implemented at transistor level. These CPU times are more than doubled if conserva-
tive mode option is considered in the simulation; over 8 h are required to complete the
simulation.

Table 3.1 CPU time required to simulate a fourth-order single-loop ��M considering
different situations in a multilevel approach

Simulation CPU Time CPU Time
Approach (moderate mode) (conservative mode)

All opamps macromodeled 45 min 2 h
One transistor-level opamp 1 h, 20 min 4 h
Two transistor-level opamps 2 h 5 h, 30 min
Five transistor-level opamps 4 h 8 h, 20 min

Simulations were carried out in a SUN Fire X2200 M2 server with 4-GB RAM and a 2.2-GHz
Dual Core AMD Opteron CPU, running a 64-bit Linux operating system.

3 The use of macromodels may also be a good strategy to implement the required bridge between the system level
and the electrical level, as will be described in Chapter 4.



116 CMOS Sigma-Delta Converters

As stated above, it is important to mention that the data in Table 3.1 does not account
for the time consumed to simulate the digital part of the system—that is, feedback DAC,
DEM, clock-phase generator, digital output buffers, etc.—that was considered ideal in
these simulations. If transistor-level implementation is considered for those circuits, the
overall CPU time for a conservative simulation mode is increased up to one day or even
more. Under these conditions, a 216-point transient simulation would take over three days
CPU time!

3.2.2 Event-Driven Behavioral Simulation Technique

As illustrated in Figure 3.3, the best trade-off between accuracy and speed is
achieved by the so-called event-driven behavioral simulation technique [14]. In this
approach—conceptually illustrated in Figure 3.4—the modulator is partitioned into a set
of subcircuits—often called basic or building blocks—with independent functionality
[1, 12]. In ��Ms, the most important building blocks are integrators and resonators,4

and the embedded quantizers, made up of an ADC and a DAC. The behavioral modeling
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Figure 3.4 Conceptual block diagram of the behavioral modeling and simulation process.

4 Integrators are the basic elements of the loop filter in LP-��Ms. These circuits can be combined to implement
resonators in order to implement BP-��Ms, as described in Chapter 1.
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technique thus consists in describing each of these building blocks by a model, often
referred to as a behavioral model or behavioral law, that emulates their actual operation
and takes into account the effect of the main nonideal circuit error mechanisms described
in Chapter 2.

Note that, strictly speaking, the definition given above for a behavioral model does
not necessarily imply that the model is implemented by equations. Indeed, there is an
alternative approach that consists of using the so-called table look-up models [23, 24].
The idea behind these models is based on extracting the input–output characteristics
of a given building block from electrical simulations and then mapping the extracted
information in the form of tables which are used for modeling the functionality of that
building block. This way, those tables are used as an alternative to the original transistor-
level circuits to accelerate the simulations with a high degree of accuracy. However, the
price to pay is the loss of generality and of reusability of the models because they strongly
depend on the circuit topology. Indeed, new tables have to be generated whenever the
architecture itself or any circuit parameter is modified.

For the aforementioned reasons, table look-up methodologies are more suited for
bottom-up verification than for high-level synthesis. Indeed, the most commonly used
behavioral modeling approach is based on finite-difference equations. These equations
describe the functionality of building blocks by expressing their output signals in terms
of their internal state variables and their input signals. Therefore, the accuracy of the
behavioral simulation strongly depends on how precisely those equations describe the
actual behavior of the corresponding ��M subcircuit [5, 15, 19].

3.2.3 Programming Languages and Behavioral Modeling Platforms

Behavioral models and the corresponding simulation engine (Figure 3.4) can be codified
and implemented in a number of platforms using different programming/modeling lan-
guages such as C. The latter is a general purpose and universal language that presents high
flexibility in describing behavioral models and allowing implementation of behavioral sim-
ulation tools in many different operating systems and platforms. Early approaches for the
behavioral-level simulation of ��Ms were completely compiled in C language, demon-
strating to be very appropriate for fast simulation and high-level synthesis of ��Ms [12].

The main disadvantage of C-coded behavioral modeling and simulation is that it is
restricted to a limited number of building-block models—that is, those included in the cor-
responding (previously programmed) libraries—thus reducing the kind of ��M architec-
tures that can be simulated. From this point of view, this approach is not flexible because
building-block models cannot be easily modified and the extension to new building blocks
and architectures is constrained by the capabilities of the simulation engine, as well as
by the designer skills on C programming language. This may explain why the majority
of reported C-based behavioral simulators are intended to simulate SC-��Ms [4, 12].

In order to overcome all these problems, several alternative approaches have been
followed to implement behavioral models. One approach that has gained popularity with
��M designers is based on the use of standard hardware description languages (HDL),
such as either VHDL [25] and its analog extensions [26] or Verilog and Verilog AMS
[19]. As will be shown in Chapter 4, VHDL-based behavioral model descriptions can be
combined with HDL models of other analog, digital, and mixed-signal circuits, and they
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can be integrated in the design flow of commercial design environments such as Cadence
Design FrameWork II [27].

An alternative and widely used approach for the behavioral modeling and simulation of
��Ms consists of using the MATLAB/SIMULINK platform [28, 29]. This well-known
mathematical software—which constitutes a standard CAD platform today in science
and engineering—presents a number of advantages in terms of friendliness of the user
interface: flexibility for the extension of building blocks library and for the simulation of
either DT or CT systems, good trade-off between accuracy and simulation speed, and a
direct access to very powerful tools for signal postprocessing [5, 15].

The rest of this chapter is devoted to the behavioral modeling and simulation of ��Ms
in the MATLAB/SIMULINK environment, explaining the different approaches to model
��M building blocks and how to use these models for the efficient simulation of ��Ms.

3.3 Implementing ��M Behavioral Models

The analysis of error mechanisms in ��Ms allows designers to obtain a set of closed-
form expressions that shows the degradation caused by circuit-level electrical parameters
at different levels of the modulator hierarchy. On the one hand, the analytical procedure
described in Chapter 2 is used for propagating the effect of errors from the building-
block (either integrator or resonator) transfer function to the modulator NTF, in order to
obtain the ��M performance metrics, that is, IBN and SNDR. As stated in Section 3.1,
simplified versions of these equations relating architectural parameters (L, OSR, and B)
to circuit-level errors are very appropriate for initial system-level estimations of the power
consumption and preliminary architecture selection. On the other hand, precise equations
describing the functionality of building blocks as a function of error parameters constitute
the basis for building accurate behavioral models. To this end, those equations must
be transformed into computational flowcharts that can be implemented by programming
languages. This procedure is illustrated in the next section for two basic building blocks:
an SC FE integrator and a Gm-C integrator. These two circuits are basic building blocks
of SC- and CT-��Ms, respectively.5

3.3.1 From Circuit Analysis to Computational Algorithms

Figure 3.5 shows the conceptual (single-ended) schematic of an SC FE integrator
(Figure 3.5a) and a Gm-C integrator (Figure 3.5b). Considering ideal circuit elements,
the output voltage vo of Figure 3.5a is given by the following finite-difference equation:

vo(nTs) = Cs

Ci
vi[(n − 1)Ts] + vo[(n − 1)Ts] (3.1)

where vi is the input voltage, Cs and Ci are, respectively, the sampling and integration
capacitors, and nTs stands for the nth sampling time instant, with Ts being the sampling
period.

5 The procedure described in this section focuses on a behavioral model considering firstly ideal behavior and
then adding only the effect of the nonlinear finite amplifier gain in SC integrators and of the finite OTA gain
in Gm-C integrators. A more complete description of the behavioral model, as well as its implementation in the
MATLAB/SIMULINK environment, will be detailed in the following sections.
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Figure 3.5 Conceptual schematic of: (a) an SC FE integrator and (b) a Gm-C integrator.

Note that Equation 3.1 is easy to solve numerically because the value of the output
voltage at a given time instant nTs can be computed by adding the value of the output
at the previous sampling period (n − 1)Ts and the value of the input voltage at (n − 1)Ts
multiplied by Cs/Ci. This operation is conceptually represented by the flowchart shown
in Figure 3.6 and can be expressed in a computational model as follows:

vinit=0;

Cs=1e-12;

Ci=1e-12;

n=1;

nfinal=10;

vi(1:10)=1;

vo(1)=vinit;

while n<=nfinal
n=n+1;

vo(n)=vo(n-1)+Cs/Ci*vi(n-1);

end;

where vinit stands for the initial condition, nfinal stands for the final sampling
instant, and Cs = Ci = 1pF has been assumed.6 A while statement has been
considered, although other iterative statements such as if or for can be used
as well.

The ideal functionality of Figure 3.5b can be mathematically expressed by the following
differential equation:

gmvi(t) = C
dvo(t)

dt
(3.2)

where gm is the transconductance and C is the integration capacitance. The above expres-
sion can be integrated by MATLAB/SIMULINK solvers very efficiently [28].

6 The MATLAB code used in this example can be easily translated to other programming languages such as C,
Verilog-A, or VHDL-AMS [19].
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Figure 3.6 Flowchart used for computing behavioral Equation 3.1.

Figure 3.7 Ideal SIMULINK models of the integrators shown in Figure 3.5.

The ideal models described for SC and CT integrators in the time domain can be
implemented very easily in the frequency domain using SIMULINK elementary library
blocks [29] as illustrated in Figure 3.7. The corresponding transfer functions can be
obtained by applying a Z-transform and an S-transform to Equations 3.1 and 3.2, respec-
tively, giving

vo(z) = Cs/Ci · z−1

(1 − z−1)
· vi(z)

vo(s) = gm

sC
· vi(s)

(3.3)

where vi(z) and vo(z) stand for the Z-transforms of vi(nTs) and vo(nTs) in Figure 3.5a and
vi(s) and vo(s) are the S-transforms of vi(t) and vo(t) in Figure 3.5b. Both models can be
computed very efficiently using the discrete-time and continuous-time solvers provided
in the SIMULINK software [29].
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3.3.2 Time-Domain versus Frequency-Domain Behavioral Models

The ideal behavioral models described can be either represented in the time domain by
Equations 3.1 and 3.2 or in the frequency domain by Equation 3.3. There is an exact
correspondence between both of them, giving rise to identical results. Indeed, provided
that the ��M building blocks can be treated as LTI systems, the most convenient (and
simplest) way of modeling their behavior is using frequency-domain transfer functions.
However, this is not very useful in most practical situations because, as stated in Chapter 2,
the performance of ��Ms is degraded by the effect of circuit-level errors. As shown in
this chapter, the majority of circuit errors are modeled in a more accurate way if behavioral
models are described in the time domain instead of in the frequency domain.

As an example, let us consider the effect of OTA finite DC gain on the integrators in
Figure 3.5. This effect can be modeled as shown in Figure 3.8, where Av stands for the
finite DC voltage gain of the opamp in the SC FE integrator and go is the finite output
conductance of the transconductor in the Gm-C integrator, such that the finite DC gain is
given by gm/go. The time-domain equations describing the behavior of the integrators in
Figure 3.8 are given by

vo(nTs) = 1 + μ
1 + (1 + g)μ

vo[(n − 1)Ts] + g

1 + (1 + g)μ
vi[(n − 1)Ts]

gmvi(t) = C
dvo(t)

dt
+ govo(t)

(3.4)

where μ ≡ 1/Av and g = Cs/Ci. Note that the behavioral model of the SC integrator
with finite DC gain can be computed using a flowchart similar to the ideal one shown
in Figure 3.6 by simply modifying the corresponding multiplication factors of vi and vo
according to Equation 3.4. In the case of CT integrators, the corresponding differential
equation can be numerically solved using either C or MATLAB code as programming
language.7
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Figure 3.8 Modeling OTA finite DC gain in: (a) SC FE integrators and (b) Gm-C integrators.

7 The interested reader can find a detailed documentation related to the implementation of the continuous-time and
discrete-time stateflow charts available in MATLAB [30].
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Operating in a similar way as in the previous section, the (frequency-domain) transfer
functions of both circuits in Figure 3.8 can be obtained yielding

vo(z) = gz−1

1 + (1 + g)μ − (1 + μ)z−1
· vi(z)

vo(s) = gm/go

1 + sC /go
· vi(s)

(3.5)

The above-mentioned transfer functions can be easily modeled using elementary blocks
of the SIMULINK library as shown in Figure 3.9. However, as stated above, frequency-
domain models are not useful when several nonideal and nonlinear effects are considered.8

Instead, a time-domain model considering the operation during different clock phases is
more accurate to include different circuit-level phenomena. In order to illustrate this, let
us analyze the circuit in Figure 3.8a in both clock phases, φ1 and φ2.

At the end of clock phase φ1 (sampling phase) of period (n − 1)Ts the sampling capaci-
tor Cs and the integration capacitor Ci are charged at the following voltages, respectively,

vCs,φ1
= −vi[(n − 1)Ts]

vCi,φ1
= −(1 + μ) · vo1[(n − 1)Ts] = −(1 + μ) · vo1[(n − 3/2)Ts]

(3.6)

where vo1(nTs) denotes the voltage at the output of the opamp in Figure 3.8a.

Figure 3.9 Modeling the effect of finite DC gain on the integrators transfer function in
SIMULINK.

8 Since the mathematical treatment of nonlinear errors becomes very complicated when the analysis is carried out
in the time domain, some authors propose alternative ways to model the effect of weak nonlinearities by combining
MATLAB functions with linear SIMULINK models [15] in SC-��Ms, or by properly modifying the Schreier’s
Delta-Sigma Toolbox to simulate CT-��Ms in the discrete-time [9].
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At the end of clock phase φ2 (integration phase) of period (n − 1/2)Ts the voltages
across Cs and Ci are, respectively, given by

vCs,φ2
= −μ · vo1[(n − 1/2)Ts]

vCi,φ2
= −(1 + μ) · vo1[(n − 1/2)Ts]

(3.7)

The charge-balance equation at the negative input node of the opamp in Figure 3.8a
can be written as

Cs · (vCs,φ2
− vCs,φ1

) + Ci · (vCi,φ2
− vCi,φ1

) = 0 (3.8)

Replacing Equations 3.6 and 3.7 into Equation 3.8 gives

[1 + (1 + g)μ] · vo1[(n − 1/2)Ts] = g · vi[(n − 1)Ts] + (1 + μ) · vo1[(n − 3/2)Ts]
(3.9)

Taking into account that vo(nTs) = vo1[(n − 1/2)Ts], the above expression transforms
into the SC part of Equation 3.4, which after taking the Z-transform results in Equation 3.5.

Note that the charge-balance analysis described in Equations 3.6–3.8 is more complex
than using Z-domain transfer functions to model simple phenomena, such as the ideal
behavior of simple building blocks and/or the effect of linear errors, such as finite DC
gain. However, as the model becomes more accurate including more nonideal circuit
errors and/or nonlinearities, the charge-balance model is the most suitable approach to be
implemented in a behavioral simulator. As an illustration, let us assume the voltage depen-
dence of the finite DC gain in SC FE integrators.9 This nonlinear effect can be modeled
by replacing the voltage linear gain Av parameter in Figure 3.8a by a nonlinear function of
the output voltage Av(vo) � Av · (1 + avnl1 · vo + avnl2 · v2

o + · · · ), where avnli repre-
sents the ith-order nonlinear voltage-gain coefficient [31]. Taking these nonlinear effects
into account, the charge-balance equations transform into the following ones:

vCs,φ1
= −vi[(n − 1)Ts]

vCi,φ1
= −[1 + 1/Av(n−3/2)] · vo1[(n − 1)Ts] = −(1 + μ) · vo1[(n − 3/2)Ts]

vCs,φ2
= −[1/Av(n−1/2)] · vo1[(n − 1/2)Ts]

vCi,φ2
= −[1 + Av(n−1/2)] · vo1[(n − 1/2)Ts]

(3.10)

where Av(n−1/2) = Av(vo1[(n − 1/2)Ts]) and Av(n−3/2) = Av(vo1[(n − 3/2)Ts]).
From Equations 3.9 and 3.10, it can be shown that the nonlinear finite-difference

equation describing the behavior of the integrator can be written as(
1 + 1 + g

Av(n−1/2)

)
· vo1[(n − 1/2)Ts] = g · vi[(n − 1)Ts]

+
(

1 + 1

Av(n−3/2)

)
vo1[(n − 3/2)Ts]

(3.11)

Note that an iterative procedure is needed to compute the behavioral model in
Equation 3.11, because the output voltage of the opamp vo1(nTs) depends on the
amplifier nonlinear gain, which in turns changes with vo1(nTs).

9 Precise time-domain behavioral models of CT-��M building blocks including the main circuit effects will be
described in Section 3.4.
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3.3.3 Implementing Time-Domain Behavioral Models in MATLAB

The behavioral model described by Equations 3.10 and 3.11 can be programmed using
a so-called M-file [28] with the MATLAB code shown in Figure 3.10, where C1 and
C2 are, respectively, the sampling capacitance (Cs) and integration capacitance (Ci), and
count is a parameter that determines the clock phase, with count=0 corresponding
to the sampling phase and count=1 to the integration phase. This way, as illustrated
in Figure 3.11, the clock-phase scheme can be selected to be either the one shown in
Figure 3.8a or the complementary one, that is, with the input switch being clocked at
φ2. The input signal is modeled by a matrix made up of two vectors, u(1) and u(2),
while the output is stored in a variable named y, with yold modeling the output sample
stored in the previous clock phase and ytemp being a temporal state variable used until
convergence is achieved.

Figure 3.10 MATLAB code for the behavioral model of the SC FE integrator in Figure 3.8a
including the effect of the amplifier gain nonlinearity.
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Figure 3.11 Meaning of count in the behavioral model of an SC FE integrator, considering that
the input switch clock phase is: (a) φ1 and (b) φ2.

Note that the convergence criterion used in the iterative procedure is
AVVAR=abs[(AVOLD =AVNEW) /AVNEW] < thrs, where thrs models the
threshold value selected for convergence (usually thrs=0.01), abs(x) stands for the
absolute value of x, and AVOLD and AVNEW are, respectively, the old and new values of
the parameter to be solved—Av in this example. Following this criterion, convergence
is normally reached in three or four iterations, which does not result in excessive CPU
time [5].

Figure 3.12 shows a SIMULINK model of the SC FE integrator in Figure 3.8a with
nonlinear DC gain based on the MATLAB code described in Figure 3.10. Note that
a MATLAB function block—named MATLAB Fcn block in SIMULINK [29]—is used
for this purpose. Figure 3.12b shows the MATLAB Fcn used in this example, called
intfescavnl, that applies the M-file shown in Figure 3.10 to the input of the block. The
input arguments of the MATLAB functions (e.g., AV,AVNL1,AVNL2...C1,C2,PHI)
are included in the Function Block Parameters dialogue window [29] illustrated
in Figure 3.12c, which can be configured by the user. Note that two additional blocks
in Figure 3.12b are used for properly sampling the output signal at the correct sampling
instant. One of these blocks is a Unit Delay block that adds an extra delay of Ts/2.
The other block is a so-called SIMULINK S-function block, which will be explained
in Section 3.4.

One of the problems of using M-files is that the MATLAB interpreter is called at each
time step, and this slows down the simulation [28]. This problem is aggravated as the
model complexity increases. Let us consider, for instance, a cascade 2-1-1 SC-��M in
which all building blocks are ideal except for the nonlinear DC gain—modeled by the
M-file shown in Figure 3.10. Figure 3.13 shows the SIMULINK block diagram of the
modulator, highlighting its main parts. A simulation of 216 clock periods of this modulator
takes 148 s in a 2.4-GHz core with 4-GB RAM.10

An alternative approach to the simulation of ��Ms based on MATLAB functions was
proposed in [15, 32]. The models included in this toolbox [33] are based on the inter-
connection of SIMULINK standard library blocks, being very intuitive and useful for

10 This simulation was carried out using the normal mode in SIMULINK. The use of the accelerator mode available
in SIMULINK speeds up the simulation regardless of the modeling strategy used. However, the accelerator mode
cannot be used for some types of M-files, for instance when these files use parameters that have more than one
dimension—very usual in the modeling of ��M building blocks [29].
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(a) (c)

(b)

Blocks used to sample the output signal
at the end of every clock period

Figure 3.12 SIMULINK model of the SC FE integrator shown in Figure 3.8a: (a) SIMULINK
mask, (b) SIMULINK block diagram including a MATLAB function, and (c) associated dialogue
window.

system-level evaluation. However, the block library is limited to SC circuits and uses
relatively simple models which do not take into account some limitations such as, for
instance, the nonlinearities associated with the OTA DC gain and with capacitors. The
models are very intuitive, although the implementation of each building block requires
several sets of elementary SIMULINK blocks using MATLAB functions, with the subse-
quent penalty in computation time. This issue is very critical for an optimization-based
synthesis process, as stated in previous sections. Moreover, most parts of the models
are implemented in the Z-domain, and hence, the circuit behavior during different clock
phases is not taken into account. This may lead to a not very precise modeling of some
errors associated with the integrator transient response, as discussed in Section 2.4.

Figure 3.14 shows an exemplary SIMULINK block diagram of a cascade 2-1-1 SC-
��M modeled with the SIMULINK toolbox developed by Brigatti [33]. The integrator
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Figure 3.13 SIMULINK model of a cascade 2-1-1 SC-��M with nonlinear DC gain modeled
using the M-file shown in Figure 3.10.

behavioral models already include finite open-loop opamp DC gain, incomplete settling
error, slew rate, mismatch capacitor ratio error, and thermal noise. In addition, the main
nonlinear effects were added to the original model, namely nonlinear sampling switch on-
resistance, nonlinear capacitors, and nonlinear open-loop opamp DC gain, the latter being
modeled using the M-function given in Figure 3.10. The main parts of this block diagram,
as well of those parameters required to simulate the modulator, are shown in Figure 3.14.
A 216-point simulation in a 2.4-GHz core with 4-GB RAM takes 80 s. This CPU time
can be reduced to 8 s if the ��M building-block behavioral modes are implemented in
C-code using the so-called SIMULINK S-functions [34].

A System-function or S-function is a computer language description of a SIMULINK
block that can be written in MATLAB code, Ada, Fortran, or C-code [34]. The latter
are special-purpose source files that allow inclusion of computation algorithms written
in C to SIMULINK models. This approach speeds up the simulations—up to 50 times
faster in some cases—compared to the use of MATLAB functions or M-files to code the
behavioral models, even when the accelerator mode is used [5]. In addition to the benefits
in terms of CPU time, the use of S-functions for the behavioral simulation of ��Ms
allows designers to model circuit-level error mechanisms in a more accurate way, as will
be described in the rest of this chapter.
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Figure 3.14 SIMULINK model of a cascade 2-1-1 SC-��M using Brigatti’s toolbox [33].

3.3.4 Building Time-Domain Behavioral Models as SIMULINK C-MEX
S-Functions

Figure 3.15a illustrates a step-by-step procedure to implement the behavioral model of
a ��M building block in the SIMULINK environment using C-coded S-functions. The
main steps are the following [5]:

• Definition of a Computational Model. Given a ��M building block that includes a set
of nonidealities, a computational model that allows to calculate the output as a function
of the input(s) and the internal states (if any) defined.

• Generation of the C Code corresponding to the computational model defined in the
previous step.

• Implementation of the Computational Model into a C-MEX S-Function. To this pur-
pose, SIMULINK provides different S-function template files that can accommodate
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Figure 3.15 Procedure to incorporate a behavioral model into the MATLAB/SIMULINK environ-
ment using C-MEX S-functions: (a) conceptual step-by-step flow and (b) illustration of the process
for an SC FE integrator with finite nonlinear DC gain.

the C-coded computational model generated in the previous step. Both DT and CT
building blocks can be modeled, as will be shown in next sections. S-function template
files are composed of several subsections, named callback methods, which are routines
that perform different tasks required at each simulation stage. Among others, these
tasks include variable initialization, computation of output variables, update of state
variables, etc [34].

• Compilation of the S-Function. This is done using the mex utility provided by MAT-
LAB [34]. MEX utility can be run from the MATLAB command prompt window,
by typing mex filename.c, where filename.c can be either a single C-coded
S-function file or a combination of different source C files.11 The resulting object files
are dynamically compiled and linked in SIMULINK when needed in a given simulation.

• Incorporation of the Model into the SIMULINK Environment. This can be done using the
S-function block of the SIMULINK libraries [34]. A block diagram containing
the S-function block is created including the input/output pins. The dialogue box is used
for specifying the name of the underlying S-function. In addition, model parameters
are also included in this box which can be used for modifying the parameter values.

11 MATLAB MEX utility can be used for compiling one or more C/C++ or Fortran source files. This book focuses
on C/C++ source files.
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As an example, Figure 3.15b illustrates how to apply the main steps listed to create the
S-function of an SC FE integrator with finite and nonlinear DC gain such as that shown in
Figure 3.8. Note that the computational model flow graph in Figure 3.15b shows only the
iterative procedure used for computing the nonlinear DC gain, whose entire MATLAB
code is listed in Figure 3.10. When more nonidealities are to be considered, a more
complex computation model—that appropriately takes all nonidealities into account in the
right sequence—is needed, as will be detailed in next sections. For the sake of simplicity,
the example in Figure 3.15b only shows some significant sections of the S-function file
associated with the SC integrator model and how this S-function is incorporated into the
SIMULINK environment.

Figure 3.16 shows the entire C-coded S-function file of an SC integrator with finite
nonlinear DC gain, highlighting its main parts. Note that, in addition to the computational
model itself (shown in Figure 3.17), an S-function includes other important functions that
are required to simulate the behavioral model using SIMULINK. The majority of these
functions and routines are included in the S-function template files provided by MATLAB.
Therefore, the easiest way to model ��M building blocks is to modify those template files
by including the corresponding model parameters, state variables, input/output signals,
clock-phase diagram scheme, etc.12 MATLAB provides detailed documentation and a
number of examples which are very useful to do this task [34].

For instance, the S-function file shown in Figure 3.16 is made up of the following parts
and functions:

• S-function name and definitions. This section of the S-function is used to define
the name of the block model and its corresponding parameters. In the example of
Figure 3.16, the model parameters are phi, ts, c1, c2, av, avnl, cp, opspos, and
opsneg, the latter being the positive and negative limits of the amplifier output swing.

• mdlInitializeSizes, where the number of inputs, outputs, and internal states
are specified. Note that building blocks used in SIMULINK may have a vector of
inputs, a vector of outputs, and a vector of states. The dimensions of these vectors
are also specified in this part of the S-function. In this example, two input ports, zero
state variables, and one output are defined, the size of all of them being one. The
number of sampling rates (or sampling times)—one in this case—is also specified in
the mdlInitializeSizes function.

• mdlInitializeSampleTimes, where the sampling time and the clock-phase
scheme is defined. This function is used to define the building block at single-rate,
at multirate, or if it is a CT circuit. The number of clock phases, the on-time period
of each of them as well as the delays—called offset in the S-function—among them
are also specified in this routine. For instance, in this example, a nonoverlapping
two-phase clock with a 50% duty cycle is considered.

• mdlStart. This routine performs the initialization of the S-function, setting up the
required model parameters and the initial values of the internal variable states.

12 Although the procedure described in this section can be easily implemented using the S-function template files
provided by MATLAB, note also that there is a SIMULINK block, named S-function Builder, that builds an
S-function from specifications and C-code provided by the user [29].
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Definition of S-Function name
and model parameters

Function: 'mdllnitializeSizes'
Determines the number of inputs,

outputs, internal states, etc.

Function: 'mdllnitializeSampleTimes'
Defines sampling rate parameters and

clock-phase scheme

Function: 'mdlStart'
Initializes the state vector of an S-function

Function: 'mdlOutputs'
Computes the behavioral model included in

the S-function

Function: 'mdlTerminate'
Required to terminate the simulation of the

behavioral model

Figure 3.16 MATLAB C-coded S-function file of the integrator in Figure 3.10.
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Output Swing Limits

Figure 3.17 C-code included in the mdlOutputs section of the S-function file in Figure 3.16.
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• mdlOutputs. This is the main part of the S-function because the C-code of the
behavioral model is introduced in this section. The routine computes the model and
stores the corresponding results in an output array.

• mdlTerminate is a routine that must be included in the S-function file in order
to keep the required template structure because SIMULINK calls it at the end of the
simulation. In the more general case, this function is used for performing any action
required at the end of the simulation, such as freeing memory. In this example, this
function is not used and hence it is empty.

As stated previously, once the C-coded S-function source file (intfesc1-
branchavnl.c) has been generated, it must be compiled to make it executable in
MATLAB. In this example, the compilation is done by running the following sentence
mex intfesc1branchavnl.c in the MATLAB command window. As a result,
a compiled file—named MEX file—is generated. Indeed, the term MEX comes from
MATLAB EXecutable [28].

The compiled MEX S-function is incorporated into a SIMULINK model using the
S-function block available in the User-Defined Functions SIMULINK
library. Figure 3.18 illustrates the SIMULINK block associated with the S-function of

Buliding-block Icon

S-Function
Dialogue Box

S-Function Block
Diagram

Block Mask
Properties Editor

Figure 3.18 Illustrating the implementation of the S-function of Figure 3.16 in SIMULINK.
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Figure 3.16 showing the main dialogue windows. The S-function name and the model
parameters are entered into the Block Parameter dialogue box. It is very important
that the block name, as well as the model parameters, are the same as those included
in the source file of Figure 3.16. The input/output terminal ports are connected to the
S-function block in the SIMULINK block diagram.

Note that an additional S-function block named FeIntSampling is included in the
block diagram of Figure 3.18. This block—whose C-coded S-function source file is shown
in Figure 3.16—is used for properly sampling the integrator output at the correct time
instant. This additional S-function is combined with a Half Delay SIMULINK block
to have a more precise control of the clock phase at which the integrator output is taken
and to collect only one output sample per clock period.

In order to make the use of S-functions easy to use in more complex systems, a
block mask can be created. A specific mask icon can be used instead of the SIMULINK
subsystem’s standard icon. This is very useful to identify different building blocks in a
given system such as a ��M and this will be shown in the next sections. The mask
also has a dialogue box where the designer can change the model parameters in a simple
way. These model parameters are passed to the S-function and dynamically linked into
SIMULINK when they are needed during a simulation.

The procedure described in this section must be followed in order to create the behav-
ioral models of the different ��M building blocks. Next section explains in detail some
of the most important building-block models, as well as their implementation in the
MATLAB/SIMULINK environment using C-coded S-functions.

3.4 Efficient Behavioral Modeling of ��M Building Blocks using
C-MEX S-Functions

All ��M building blocks can be modeled by C-MEX S-functions using the methodology
described in the previous section. This way, any ��M architecture can be simulated at
system level in an efficient way in terms of accuracy and CPU time. As an illustration,
Figure 3.19 shows the SIMULINK block diagram of a second-order ��M implemented
using SC integrators (Figure 3.19a) and Gm-C integrators (Figure 3.19b). These block dia-
grams contain S-function blocks that model integrators, quantizers, and feedback DACs.
Other auxiliary subcircuits, such as the output impedances of the Gm-C integrators (made
up of Ro and C) and the digital latches are also included in the models.

Each block in Figure 3.19 can be implemented using different circuit topologies which
are affected by a number of circuit error mechanisms. A detailed explanation of all
different ��M building-block behavioral models and their corresponding S-functions is
beyond the scope of this book. Instead, this section describes the model of the most essen-
tial elements of ��Ms—that is, integrators, quantizers, and DACs—taking into account
the most important nonideal effects discussed in Chapter 2 and specially emphasizing on
those aspects related to their implementation using C-MEX S-functions.

3.4.1 Modeling of SC Integrators using S-Functions

Let us consider again the conceptual schematic of an SC FE integrator shown in
Figure 3.8a. Note that a single-ended schematic is shown for the sake of simplicity.
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(a)

(b)

Figure 3.19 Illustrating the behavioral model of a second-order ��M using S-functions: (a) SC
implementation and (b) Gm-C implementation.
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However, the behavioral model described below takes into account a fully-differential
topology.

Its ideal behavior is described by the finite-difference equation given in Equation 3.1.
The impact of finite OTA DC gain was considered in Section 3.3, taking into account
both linear and nonlinear effects. However, in practice, the performance of SC integrators
is degraded by a number of error mechanisms, as described in Chapter 2. An accurate
behavioral model must take into account the contribution of the main circuit errors,
as well as the clock phases in which they affect the performance of the circuit to be
modeled—an SC FE integrator in this case. To this purpose, the effect of all SC circuit
nonidealities is computed by following the iterative procedure shown in the flow graph of
Figure 3.20 [5].
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Figure 3.20 Flowchart of the SC FE integrator computational model.
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The model starts by loading the values of the required model parameters, the input
signal, and the initial conditions—that is, the voltages at internal nodes of the integra-
tor (including the values stored on the sampling and integration capacitor) stored in the
previous clock period and which are usually set to zero at the beginning of a simula-
tion. Before starting to compute the behavioral model, some initial calculations are done,
namely, the equivalent input-referred noise, the actual value of the integrators weight due
to capacitor mismatch, and the parasitic and load capacitances at different nodes of the
integrator during sampling and integration clock phases.

The different integrator clock phases that correspond to the two main branches in
Figure 3.20 are selected according to the value of the clock-phase counter count and
the input switch phase—either φ1 or φ2, as illustrated in Figure 3.11. At each clock phase,
the effect of main SC circuit nonidealities is taken into account, namely, finite (linear and
nonlinear) switch on-resistance, capacitor nonlinearity, thermal noise, incomplete settling,
finite (linear and nonlinear) OTA DC gain (modeled as described in Section 3.3), and
output swing limitation. The behavioral model of these errors is based on the nonideal
equations explained in Chapter 2. These equations can be codified in C and incorporated
in an S-function as illustrated in Figures 3.21–3.23.

Note that the S-function file follows the same structure as that shown in Figure 3.16,
but adding more detailed pieces of information to incorporate the mentioned circuit errors
into the behavioral model. For the sake of simplicity, Figures 3.21–3.23 show only the
most important parts of the S-function file. Although additional comments have been
included in the C-code, the following sections explain the main parts of the S-function
by linking the C-code with the design equations described in Chapter 2 for the different
SC circuit nonidealities.

Capacitor Mismatch and Nonlinearity

As discussed in Section 2.3, capacitor mismatch is modeled as a random deviation of
the integrators weight from its nominal value g. This random variation is included in
the C-code [35] as a normal (or Gaussian) distribution with a mean value of g (denoted
as MEAN in Figure 3.21) and a variance that is provided as a model parameter named
VARIANCE.

Another nonideal effect associated with the integrator capacitors is the nonlinear depen-
dence of their capacitance on the voltage drop across them (v), which is modeled as a
polynomial function given by

Cs,i(v) = Cs,i(nominal)
· (1 + CNL1 · v + CNL2 · v2) (3.12)

where Cs,i(nominal)
are the nominal values of the sampling (Cs) or the integration capacitors

(Ci) and CNL1,2 are, respectively, the first- and second-order nonlinear voltage coefficients
represented in the model by CNL1,2 (Figure 3.22). This way, the charge stored in these
capacitors is given by [36]

Qs,i(v) =
v∫

0

Cs,i(v)dv = Cs,i(nominal)
·

(
v + CNL1

2
· v2 + CNL2

3
· v3

)
(3.13)
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Part 1

Figure 3.21 Excerpt of the MATLAB C-coded S-function file of an SC FE integrator considering
all circuit errors: model parameters, definition of clock-phase timing, and calculation of integrator
weight including mismatch (Part 1 of 3).
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Equivalent load
calculation

Part 2

Input-referred
thermal noise

Incomplete settling
during sampling phase

Nonlinear finite opamp DC
gain

Nonlinear finite opamp DC gain and output
swing computation when settling is not

considered

Figure 3.22 Excerpt of MATLAB C-coded S-function file of an SC FE integrator considering all
circuit errors: calculation of equivalent load capacitances, input-referred thermal noise, capacitor
nonlinearity, incomplete settling during sampling phase, nonlinear finite opamp DC gain, and output
swing (Part 2 of 3).
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Incomplete settling during
integration phase

Nonlinear finite opamp DC gain and
output swing during integration

(considering the effect of settling)

Nonlinear finite opamp DC gain and
output swing during integration when

settling is not considered

Similar code goes here when clock phase of input switch is Phi2

Part 3

Figure 3.23 Excerpt of MATLAB C-coded S-function file of an SC FE integrator considering
all circuit errors: calculation of incomplete settling during integration phase, capacitor nonlinearity,
nonlinear finite opamp DC gain, and output swing (Part 3 of 3).
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Note that the resulting expression can be viewed as the charge stored in a nominal linear
capacitor Cs,i(nominal)

with a voltage across it given by (v + CNL1/2 · v2 + CNL2/3 · v3).

Input-Referred Thermal Noise

The circuit noise model takes into account the thermal noise generated in the switches
and the opamp [31]. Flicker (or 1/f ) noise is not considered in the system-level behav-
ioral model because it is assumed that it will be canceled out by a proper electrical
design at transistor level. Other noise sources contributions, such as thermal and flicker
noise sources associated with the ��M reference voltages, are usually considered dur-
ing the electrical (transistor-level) design. This way, based on the analysis described in
Section 2.5, the rms value of the input-referred thermal noise included in the model
(VNOISE in Figure 3.22) is approximated by

vth = UNOISE
√

12fs(2Sinφ1
+ 2Sinφ2

+ Sop) (3.14)

where UNOISE is a random number in the range of (−0.5, +0.5) generated by the
Uniform Random Number building block available in SIMULINK, Sop represents
the PSD of the thermal noise generated by the opamp, and Sinφ1,2

stands for the
PSD of the thermal noise generated in the switches during clock phases φ1,2. These
PSD functions, respectively, denoted as SIN_OP, SIN_PHI1, SIN_PHI2 in the
C-code of Figure 3.22 are calculated as a function of different electrical parameters
involved in the thermal noise model analyzed in Section 2.5. These parameters
include, among others, the switch on-resistance Ron (denoted as RON in the C-code of
Fig. 3.22), the equivalent noise bandwidth of noise sources associated with the switches
during clock phase φ2 (denoted as BWn_SPHI2 in Figure 3.22), and the equivalent
bandwidth of the amplifier thermal noise (BWn_OP in Figure 3.22). Note that if ideal
switches are assumed—that is, Ron = 0—only the amplifier contributes to the thermal
noise model.

Switch On-Resistance Dynamics

The effect of finite switch on-resistance Ron is considered in both clock phases. For
instance, as shown in the C-code of Figures 3.21–3.23, the value of the voltage sampled
on Cs taking into account the effect of capacitor nonlinearity, thermal noise, and the linear
sampling process due to Ron is given by

vCs
= −

[
(vi + CNL1

2
· v2

i + CNL2

3
· v3

i ) + vth

] (
1 − e

−Ts
RonCs

)
(3.15)

where vi is the value of the input signal at the end of the sampling phase—denoted as
U1 in the C-code.

As stated in Section 2.7.2, switches are usually implemented as CMOS transmission
gates and the value of Ron strongly depends on the value of the voltage drop across the
nodes of the switch. This nonlinear phenomenon causes harmonic distortion which, as
will be shown in Chapter 4, increases with the ratio between the input frequency and the
sampling frequency [37], thus being especially critical in broadband applications.
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Figure 3.24 Front-end part of a fully-differential SC integrator during the sampling phase.

In order to model the effect of nonlinear Ron in CMOS switches, let us consider
again the circuit in Figure 2.21. This circuit—depicted in Figure 3.24 for the sake of
clarity—models the sampling operation of a fully-differential SC FE integrator during
the sampling phase. Note that only the input CMOS switches connected to Cs on φ1
(sampling phase in Figure 3.24) need to be considered. The behavioral model assumes
that the MOS transistors implementing the switches operate in the linear (ohmic) region
and that their drain currents ID(N,P) can be expressed as

IDN = βN

[
VDS(VGS − VTN) − V 2

DS

2

]

IDP = βP

[
VSD(VSG − |VTP|) − V 2

SD

2

]
(3.16)

where VT(N,P) denotes the threshold voltage of the nMOS and pMOS transistors, VDS and
VGS stand for the drain-to-source and gate-to-source voltages of the nMOS transistor, and
VSD and VSG are the source-to-drain and source-to-gate voltages of the pMOS transistor.

From Equation 3.16, it can be shown that the currents flowing through the sampling
capacitor in the positive and negative branches of Figure 3.24 can be, respectively,
written as

ICp = Cs

dvCp

dt
= gon

(
+vi

2
− vCp

)
+ �β

(
v2

Cp

2
− v2

i

8

)

ICn = Cs
dvCn

dt
= gon

(
−vi

2
− vCn

)
+ �β

(
v2

Cn

2
− v2

i

8

)
(3.17)

where �β = (βN − βP), gon ≡ 1/Ron = [βN(VDD − VTN) + βP(−VSS − |VTP|)] is the
operating-point switch on-conductance—see Equation 2.47—and vCs

= vCp − vCn
represents the differential voltage sampled on Cs.

In order to incorporate the effect of nonlinear sampling caused by CMOS switches
in a DT behavioral model, the former nonlinear differential equations can be discretized
and solved numerically. For instance, if the sampling phase is divided into a number
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(j = 1, . . . , Ns) of time intervals, δt and a finite-difference approximation is used for
integrating Equation 3.17, the sampled voltages of Figure 3.24 can be expressed as

vCp(t) �
Cs + gonδt −

√
(Cs + gonδt)

2 + βδt{δtvi(t)[β
vi(t)

4 − gon] − 2CsvCp(t − δt)}
βδt

vCn(t) �
Cs + gonδt −

√
(Cs + gonδt)

2 + βδt{δtvi(t)[β
vi(t)

4 + gon] − 2CsvCn(t − δt)}
βδt

(3.18)

where t = jδt , δt = Ts/(2Ns) and vCs
(t − δt) ≡ vCp(t − δt) − vCn(t − δt) is the differen-

tial sampled voltage on Cs at time instant t − δt .
Figure 3.25 shows a C-code that can be used in a C-MEX S-function to model the effect

of nonlinear Ron based on the solution given in Equation 3.18, where VC1(p,n) and

Linear Ron

Nonlinear Ron
(analytic model)

Nonlinear Ron
(table look-up

approach)

Figure 3.25 Excerpt of the C-coded S-function file including the model of finite (nonlinear) switch
on-resistance.
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Figure 3.26 Modeling the nonlinear switch on-resistance as a polynomial function of the input
signal: (a) equivalent circuit and (b) flowchart.

VC1OLD(p,n) denote, respectively, vC(p,n)(t) and vC(p,n)(t − δt). Note that two different
cases are considered for the input signal waveform, namely, a sinusoidal waveform and
a generic waveform. In both cases, the input waveform data can be provided by the user
through the SIMULINK S-function. For the sake of completeness, the code in Figure 3.25
includes also a linear version sampling process due to finite Ron, in case nonlinearities
are not considered.

The C-code in Figure 3.25 shows also an alternative approach to model the effect
of the nonlinear switch on-resistance that is based on the equivalent circuit shown in
Figure 3.26a. In this model, the effect of switches connected to the common voltage node
are neglected (see Section 2.7.2) and Ron is modeled as a polynomial function of the input
signal, given by [5]

Ron(vi) �
Ns∑
j=1

pj · v
j

i (jδt) (3.19)

Taking into account the above-mentioned nonlinear characteristic for Ron, the volt-
ages sampled at the positive and negative branches of Figure 3.26a can be, respectively,
written as

vCp(t) � vCp(t − δt) +
[
+vi(t − δt)

2
− vCp(t − δt)

] (
1 − e

−Ts
Ron[+vi(t)]Cs

)

vCn(t) � vCn(t − δt) +
[
−vi(t − δt)

2
− vCn(t − δt)

] (
1 − e

−Ts
Ron[−vi(t)]Cs

) (3.20)
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which can be computed following the flowchart depicted in Figure 3.26b. As shown in
Figure 3.25, the corresponding C-code has been incorporated in the S-function. Note
that the coefficients of the polynomial function in Equation 3.19 can be used either
in a synthesis process to evaluate the maximum nonlinearity tolerated for a given set of
specifications or to verify a given design using a table look-up approach. In the latter case,
the polynomial function coefficients pj can be obtained from a curve-fitting process applied
to the nonlinear Ron characteristic obtained in an electrical (transistor-level) simulation of
the CMOS switch. The curve-fitting process can be easily performed using the polyfit
routine provided by MATLAB [28].

Incomplete Settling Error

The behavioral model of the transient response for SC FE Integrators included in Figures
3.21–3.23 is based on the analysis presented in [38] which was discussed in Section 2.4.
The model includes the effect of the opamp dynamic performance limitations, such as
GB and SR, on the charge transfer during both sampling and integration phases. Parasitic
capacitors associated to both opamp and CMOS switches, as well as the capacitor load at
the integrator output—which changes from sampling to integration phase—are also taken
into account. To this end, the equivalent circuit scheme shown in Figure 2.6 is solved in
the behavioral model. As shown in Figure 2.6, the model assumes a number of Ni input
SC branches—made up of its corresponding sampling capacitor and switches—and that
another SC integrator with No input SC branches is connected (as a load) to the output
node of the integrator. The model used for the amplifier, shown in Figure 2.7 includes a
single-pole dynamic and a nonlinear characteristic with maximum output current Io (I0
in the C-code).13

As stated in Section 2.4, the evaluation of the incomplete settling error model begins
with the computation of the equivalent capacitive load at the opamp output node dur-
ing both the integration and sampling phases, given by Equation 2.16. This equation is
included in the model of Figure 3.22, where the sampling capacitance of the ith input
SC branch of the load integrator is denoted as uPtrs4[N+i], the parasitic capacitor
associated with the summation node of the input SC branches is denoted as CP, and
the load capacitance is CLOAD. Note that the model in Figure 3.22 has the possibility
of including a different value of CL during the integration and the sampling phase. To
this purpose, two different model parameters are used, respectively, named CLOAD_I,
CLOAD_S. This way, the load capacitance during integration and sampling phases are,
respectively, given by CLOAD+CLOAD_I and CLOAD+CLOAD_S.

After computing the equivalent load capacitances, the settling model is evaluated during
both clock phases considering the different possibilities of the opamp operation, that is,
linearly or in slew. This way, at the end of the sampling phase of period nTs the voltage

13 Note that the model described in the S-function of Figures 3.21–3.23 corresponds to an SC FE integrator with
one input SC branch. However, the model presented here can be extended to SC integrators with Ni input SC
branches.
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at the input node of the opamp (represented by VAN in Figure 3.22) is computed as [38]

va(nTs) =

⎧⎪⎪⎪⎨
⎪⎪⎪⎩

vai,se
− gmsefTs

2Ceq,s |vai,s| ≤ Io
gmsef

Io
gmsef

sgn(vai,s)e
− gmsef(Ts/2−to,s)

Ceq,s |vai,s| > Io
gmsef

and to,s < Ts
2

vai,s − Io
Ceq,s

sgn(vai,s)
Ts
2 |vai,s| > Io

gmsef
and to,s ≥ Ts

2

(3.21)

where

to,s = Ceq,s

Io
|vai,s| − Ceq,s

gmsef
(3.22)

and sgn(vai,s) is the sign function of vai,s (denoted as VAINIS in Figure 3.22), which
represents the value of va at the beginning of the sampling phase given by

vai,s = va[(n − 1/2)Ts] −
No∑
i=1

CSni

Ceq,s
{vo[(n − 1/2)Ts] − vCSni

[(n − 1/2)Ts]} (3.23)

where vCSni
is the voltage across capacitor CSni, respectively, represented by the parameters

uPtrs4[N+i] and uPtrs4[i] in Figure 3.22.
Note that Equations 3.21 and 3.22 are essentially the same as Equations 2.17 and 2.18,

but replacing the OTA transconductance gm by a parameter denoted as gmsef (GMSEFF
in Figure 3.22). This parameter represents the effective transconductance of the opamp
that is used for modeling the GB degradation because of the switch on-resistance during
sampling phase, as described in Section 2.4.4 [31].

Therefore, once va(nTs) has been calculated, the voltage at the output node of the
opamp is computed as

vo(nTs) = vo[(n − 1/2)Ts]

+
{

1 + 1

Av[vo(nTs)]

}(
1 + CP

CI

)
{va(nTs) − va[(n − 1/2)Ts]}

(3.24)

in which the effect of the nonlinear finite OTA DC gain is also accounted for. The former
equation is solved by following the iterative procedure described in Section 3.3. Note
from Figure 3.22 that the nonlinearity of the capacitor—not shown in Equation 3.24 for
the sake of simplicity—is also taken into account in the behavioral model to get a more
accurate value of vo(nTs).

During the integration phase the incomplete settling model is evaluated proceeding in
a similar way as during the sampling phase (Section 2.4). The value of va at the end of
the integration phase of period (n + 1/2)Ts is thus given by [38]

va[(n + 1/2)Ts] =

⎧⎪⎪⎪⎨
⎪⎪⎪⎩

vai,ie
− gmiefTs

2Ceq,i |vai,i| ≤ Io
gmief

Io
gmief

sgn(vai,i)e
− gmief(Ts−to,i)

Ceq,i |vai,i| > Io
gmief

and to,i < Ts

vai,i − Io
Ceq,i

sgn(vai,i)
Ts
2 |vai,i| > Io

gmief
and to,i ≥ Ts

(3.25)
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where gmief (GMIEFF in Figure 3.23) stands for the effective OTA transconductance
during the integration phase and

to,i = Ts

2
+ Ceq,i

Io
|vai,i| − Ceq,i

gmief

vai,i = 1

Ceq,i

(
1 + CL

CI

) Ni∑
i=1

CSi
{vi2(nTs) − vi1[(n − 1/2)Ts]} + C

′

Ceq,i
va(nTs)

(3.26)

with vij being the voltage at the j th input node of the ith input SC branch, CSi
is the

sampling capacitor of the ith input SC branch, and C
′

(CPRIMA in the C-code) is given
by

C
′
= CP + CL

(
1 + CP

CI

)
(3.27)

After computing va[(n + 1/2)Ts], the value of the opamp output node is solved in an
iterative way (Figure 3.23) taking into account the effect of nonlinear OTA DC gain and
capacitor nonlinearity. This iterative procedure converges typically in a few iterations and
provides very accurate results in close agreement with transistor-level simulations [5].

Before concluding this section, it is very important to pay attention to a practical issue
related to the implementation of the incomplete settling error model in a programming
platform in general, and in the MATLAB/SIMULINK environment in particular. It can
be noted that in order to implement this error, it is not sufficient to provide information
about the building block itself (i.e., the SC integrator to be modeled), but also about those
building blocks connected to its output. For instance, the values of vCSni

at (n − 1/2)Ts are
needed to compute va at nTs—see Equation 3.23. Therefore, an accurate behavioral model
must incorporate the required data computed in previous clock cycles that correspond to
those building blocks connected at the output of the integrator. This can be implemented
in the SIMULINK environment by using the From and Goto blocks provided by the
Signal Routing SIMULINK library [29].

Figure 3.27 illustrates the use of From and Goto blocks for the behavioral model of
SC FE integrators in SIMULINK. In this example, two SC FE integrators are connected
to build a second-order ��M. In order to distinguish both building blocks in their cor-
responding behavioral models, two different identifiers are used, named int3 and int4 in
this case. As shown in the corresponding S-function diagram, From and Goto blocks
allow passing of the required information between both SC integrators without actually
connecting them, what notably simplifies the implementation of arbitrary ��Ms without
modifying the model code.

In the example of Figure 3.27, the information provided by the back-end integrator
(identified as int4) is included in the model of the front-end integrator (int3) by connecting
the From block to an input port of the front-end integrator. Similarly, the front-end
integrator uses the Goto block to provide its stored data to another building block.
The information stored essentially consists of a data array that contains the values of
the sampling capacitors and the sampled voltages of the input SC branches of a given
integrator. This data is read by the model by using dynamically sized inputs, for instance
uPtrs4 array in the C-code of Figure 3.21.
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int3int3
int4int4

Integrators identifiersIntegrators identifiers

Figure 3.27 Illustrating the use of From and Goto SIMULINK blocks to transmit information
between the models of two SC FE integrators in a second-order ��M.

3.4.2 Modeling of CT Integrators using S-Functions

CT integrators constitute the most critical building blocks of CT-��Ms. As discussed
in Chapter 2, these blocks can be implemented using different circuit topologies, namely
active-RC, Gm-C, MOSFET-RC, Gm-MC, etc. All of them may have the same ideal char-
acteristics, although involving a number of design trade-offs and error limitations that can
be modeled using C-MEX S-functions. This section focuses on the behavioral modeling
of S-functions for Gm-C circuits, considering their most important limiting factors. The
behavioral model of other CT integrator topologies is considered in Appendices A and B.

Let us consider the Gm-C integrator conceptually depicted in Figure 3.5b, whose ideal
behavior is governed by Equation 3.2. In practice, this ideal behavior is degraded by the
action of a number of circuit errors, namely, input-referred thermal noise, circuit–element
tolerances and mismatch, input and output voltage saturation, transconductance nonlinear-
ity, finite OTA DC gain, transient response (including either a single-pole or a two-pole
model for the OTA), etc. [39]. There are several ways of modeling these effects using
S-functions, as discussed below.
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Figure 3.28 Equivalent circuit of a Gm-C integrator considering a single-pole model.

Single-Pole Gm-C Model

Figure 3.28 shows the equivalent circuit of a Gm-C integrator considering a single-pole
dynamic. The model includes also the following nonideal effects: input-referred thermal
noise, input/output voltage saturation, time-constant error, finite DC gain (modeled as a
finite output conductance), and a nonlinear transconductance that depends on the input
voltage vi as

gm � gmo · (1 + gm1 · vi + gm2 · v2
i ) (3.28)

where gmo is the nominal value of the transconductance and gm(1,2) are the nonlinear
transconductance coefficients.

The circuit errors of Figure 3.28 are computed by following the iterative procedure
depicted in the flowchart of Figure 3.29. This computational model can be included in a
C-MEX S-function as shown in Figure 3.30 and implemented in an S-function block as
illustrated in Figure 3.31. Note that the C-MEX S-function file is made up of the same parts
as those S-functions described in previous sections, beginning with a model parameter
and state variable initialization and computing the different errors according to the flow of
Figure 3.29. The main difference is related to those model aspects related to the timing.
Thus, the CT nature of the circuit is specified in the mdInitializeSampleTimes
structure, where the sample time is defined as CONTINUOUS_SAMPLE_TIME to point
out that this S-function corresponds to a CT building block [34].

The output voltage is computed using the mdlDerivatives routine [34] that solves
the following differential equation:

dvo(t)

dt
= 1

C + Cp
· [gmvi(t) − govo(t) + ii(t)] (3.29)

where go is the finite output conductance (denoted as go in Figure 3.30), Cp is the
parasitic capacitance that models the integration time-constant error (Cp in Figure 3.30),
and ii(t) is the current-mode input that can be used for modeling the current provided by
a feedback current-steering DAC in a CT-��M (Figure 3.31).
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Figure 3.29 Flowchart of the Gm-C integrator computational model.

Two-Pole Dynamics Model

A two-pole transient response can be included in the model of a Gm-C integrator using
the equivalent circuit shown in Figure 3.32. This model can be incorporated in an S-
function as illustrated in Figure 3.33, which shows only the excerpt of the C-MEX file
corresponding to the mdlDerivatives routine. In this case, the output voltage is
computed by solving the following set of differential equations:

dva(t)

dt
= 1

Ca
·

[
va(t)

ra
− gmavi(t)

]
dvo(t)

dt
= 1

C + Cp
· [gmva(t) − govo(t) + ii(t)]

(3.30)

where va and vo are represented in Figure 3.33 by two state variables named x[0] and
x[1], respectively.

Modeling Transconductors as S-Functions

The model of a Gm-C integrator can be also implemented as the cascade of two build-
ing blocks, as illustrated in Figure 3.34a: a transconductor and an output impedance
circuit made up of the parallel connection of an output resistance (ro ≡ 1/go), the inte-
gration capacitor C, and its parasitic capacitance Cp. Figure 3.34b shows the implemen-
tation of Figure 3.34a in SIMULINK. The transconductor S-function block includes the
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Figure 3.30 C-coded S-function file of a Gm-C integrator with a single-pole dynamic.
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Figure 3.31 Illustrating the incorporation of the Gm-C integrator S-function in SIMULINK.
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Figure 3.32 Equivalent circuit of a Gm-C integrator considering a two-pole model [5].

input-referred noise, saturation voltage at both the input and the output nodes, and a
transconductance that is a nonlinear function of the input voltage given by

gm � gmo ·
(

1 − 4 · gmo

3 · 10
IIP3
10

· v2
i

)
(3.31)

where IIP3 is the input-referred third-order intercept point, used as a model parameter.
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Differential equations
(x[0] = va; x[1] = vo)

Figure 3.33 Excerpt of the S-function of a Gm-C integrator considering a two-pole model.

3.4.3 Behavioral Modeling of Quantizers using S-Functions

Quantizers are also essential building blocks of ��Ms. These blocks are made up of an
ADC and a DAC that are embedded in the ��M loop, the former in the feed-forward
path and the latter in the feedback path.14 As it also happens with integrators, there are

14 As stated in Chapter 1, strictly speaking, a quantizer is an analog block with both input and output being analog
quantities, except that the output amplitude is discretized in a number of analog levels. For that reason, a quantizer
is made up of the cascade of an ADC and a DAC. However, the ADC embedded in a ��M is usually represented
by a quantizer symbol, although it is connected in the feedback loop to a DAC to complete the quantization
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Figure 3.34 Gm-C integrator implemented as a transconductor and an output impedance circuit:
(a) conceptual schematic and (b) implementation in SIMULINK.

plenty of different ADC and DAC topologies that are usually embedded in ��Ms. Their
selection depends on many factors, such as the circuit nature of the loop filter, the number
of bits (or levels) of the quantization process, the circuit topology, etc. All of them can
be modeled with S-functions, following the same philosophy used for integrators. In this
section, two commonly used exemplary blocks are presented as a matter of illustration.
Other models of embedded ADCs and DACs can be found in Appendix B.

Modeling Multilevel ADCs as S-Functions

As stated in previous chapters, the quantizers embedded in ��Ms are usually implemented
by multibit flash ADCs. These circuits—made up of a bank of comparators (or single-bit
quantizers) and a resistive ladder—are subject to a number of circuit errors whose effects
on the ��M performance are greatly attenuated by the action of the modulator loop
filter. However, they must be taken into account in the behavioral models in order to get
efficient and accurate designs. Some of these errors are comparator offset and hysteresis,
integral nonlinearity (INL), gain error, etc., which can be easily modeled using S-functions
following the methodology described in this section.

Figure 3.35a shows the main parts of the S-function block used for modeling a mul-
tilevel ADC. This block can be used in either DT- or CT-��Ms for implementing
quantizers with an arbitrary number of quantization levels. This way, if an odd num-
ber of levels is set up, a midtreat quantization characteristic is implemented. Otherwise, a
midrise quantizer is computed. The model includes the following circuit nonideal effects:
INL, gain error, and offset error—all of them expressed in terms of the least significant
bit (LSB). Other model parameters are the input and output full-scale (FS) range, the
clock phase at which the input is sampled, and the sampling time.

process. This kind of graphic and conceptual representations can be found in many a papers and books, although
it is not strictly correct.
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Figure 3.35 Illustrating the behavioral model of multilevel ADCs: (a) S-function block and
(b) excerpt of the C-code.
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Figure 3.36 Conceptual block diagram of the behavioral model used for the quantizer embedded
in ��Ms [12]: (a) ADC and (b) DAC.

Figure 3.35b shows the main parts of the S-function file implementing the model of the
multilevel ADC, whose conceptual block diagram is shown in Figure 3.36a. This model
is based on the one presented in [12], which has been adapted to multilevel quantizers.
Essentially, the model consists of the cascade connection of an adder block (that includes
the offset error), a linear gain block, a nonlinear transfer function, and an ideal multilevel
ADC. The operations of these blocks are sequentially computed in Figure 3.35b that
basically codifies the following equations:

ya = (1 − ε0)wa + ε0

A2
w3

a , with

⎧⎪⎨
⎪⎩

wa = γ(xa + voff)

ε0 =
√

27
NL−2 · INL

A = (NL − 1)�

(3.32)

where NL is the number of levels (named n_levels in Figure 3.35b), � is the quanti-
zation step (Xlsb in Figure 3.35b), and voff is the quantizer offset (off in Figure 3.35b).

Modeling Multilevel DACs as S-Functions

Embedded feedback DACs must be accurately modeled at the system level in order to
take into account, from the very beginning of the design, some circuit errors that can
severely degrade the performance of ��Ms. This is the case of multibit (or multilevel)
DACs, where the mismatches among the unit circuit elements (capacitors, resistors, current
sources, etc.) used for reconstructing the analog feedback signal give rise to a nonlinear
input–output characteristics, and consequently to harmonic distortion. This problem is
aggravated in CT-��Ms where the feedback DAC transforms the modulator output signal
from DT domain to CT domain. This signal reconstruction is very critical and subject to
some limiting errors, such as clock jitter error and transient response delay, that have a
significant impact on the overall behavior of ��Ms, as discussed in Chapter 2. Therefore,
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all these effects must be considered in the behavioral models and can be also implemented
in MATLAB S-functions.

As an example, Figure 3.37a shows the S-function of a multibit DAC used in
CT-��Ms. This model allows implementation of three of the most used DAC
waveforms—NRZ, RZ, and HRZ—and includes most critical errors, such as gain error,
offset, INL, transient response delay, and clock jitter.

Figure 3.37b shows the C-code of the S-function, highlighting their main parts. Basi-
cally, the behavioral model is based on the same concept used for multilevel ADCs, but
implemented in a dual way as depicted in Figure 3.36b; that is, starting from an ideal D/A
conversion and then applying the effects of the nonlinearity, gain error, and offset. Note
that the DAC model uses the number of bits as a model parameter instead of number of
levels, although the latter can be also included in the models as shown in Appendix B.

Two different cases have been considered for the DAC delay (named delay in
Figure 3.37b): a fixed delay, which is independent of the input voltage, and a signal-
dependent delay, which is modeled as [40]

delay(vi) = d0 + d1

x1|vi|
(3.33)

where d0 stands for the fixed delay (d0 in Figure 3.37b) and d1 and x1 (d1,x1 in
Figure 3.37b are curve-fitting parameters that can either be extracted from electrical
(transistor-level) simulations or be used for high-level synthesis purposes.

Another important error considered in Figure 3.37 is the clock jitter. This error is
modeled as a sampling time instant uncertainty given by

tn = nTs + βn (3.34)

where n = 1, 2, . . . ; tn is the time instant; βn stands for the time uncertainty implemented
in the model as random Gaussian noise source with zero mean and standard deviation
provided as a model parameter in Figure 3.37a. This noise source is incorporated as an
input port to the S-function block and included in the C-code using *uPtrs2[0] as
shown in Figure 3.37b.

Note that the C-code modeling the clock jitter strongly depends on the DAC waveform
as a different number of clock-signal edges may occur. For that reason, Equation 3.34 is
valid for NRZ DAC, while the time uncertainty in the clock edges in RZ or HRZ DACs
is modeled as

tn1 = nTs + βn1

tn2 = nTs + Ts

2
+ βn2

(3.35)

where tn1 and tn2 refer to the time instants of the first and second clock edge, respectively,
and βn1 and βn2 stand for the corresponding clock-edge time uncertainties. Note that a
variable sampled time is used in Figure 3.37b (modeled by VARIABLE_SAMPLE_TIME
parameter) to take into account the effect of clock jitter on the sampling time instant.
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Figure 3.37 Illustrating the behavioral model of multibit DACs: (a) S-function block and
(b) excerpts of the C-code including the model of DAC transient response delay, clock jitter,
and waveform selection.
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3.5 SIMSIDES: A SIMULINK-Based Behavioral Simulator for
��Ms

All ��M building blocks and their associated error mechanisms can be modeled as
C-MEX S-functions following the methodology described in previous sections. On
the basis of this philosophy, a complete toolbox can be developed in the MAT-
LAB/SIMULINK environment for the time-domain behavioral simulation of ��Ms.
This is the case of SIMSIDES, a SIMulink-based SIgma-DElta simulator that takes
advantage of the benefits provided by MATLAB, namely, a friendly user interface, high
flexibility for the extension of new models and building blocks, and a powerful set of
signal processing routines [5].

SIMSIDES can be used for simulating any arbitrary ��M topology, considering a
circuit implementation with either DT circuits, CT circuits, or a mix of them, that is, the
so-called hybrid CT/DT-��Ms. In the case of DT-��Ms, behavioral models included
in SIMSIDES consider either SC or SI [41] circuit techniques, although the majority
of models in SIMSIDES deal with SC circuits, because is the most commonly used DT
circuit technique. As far as CT-��Ms is concerned, the main integrator circuit topologies
are included in SIMSIDES S-functions, namely: Gm-C, active-RC, Gm-MC, etc. Overall,
more than 150 S-functions and 250 behavioral models are available in the toolbox. A
list of the most important ones is included in Appendix B, where a brief description
of the different models, their main functionality, and parameters is given. This section
summarizes the most important features of SIMSIDES, overviewing its model libraries,
its general structure, and the user interface.

3.5.1 Model Libraries Included in SIMSIDES

The building blocks modeled in SIMSIDES are grouped into a number of SIMULINK
libraries and sublibraries which can be classified attending to different criteria, as concep-
tually depicted in Figure 3.38. The first classification criterion is related to the modulator
system hierarchy level in which a given building block is placed. Attending to this cri-
terion, ��M building blocks are organized in the following libraries: integrators and
resonators (basic blocks in ��Ms), quantizers, DACs, and auxiliary blocks. The lat-
ter include analog and digital mixers, DEM algorithm S-functions, latches models, etc,
which are required to simulate some specific ��M architectures. A second classifica-
tion criterion deals with the circuit technique used for implementing ��M building
blocks. Thus, there are sublibraries including FE and LD integrators, Gm-C and active-RC
integrators, etc.

All SIMSIDES model libraries are in turn classified into two main categories (not shown
in Figure 3.38 for the sake of simplicity): ideal libraries and real libraries. The former ones
include only S-functions that contain ideal models of different building blocks—classified
attending to the aforementioned criteria. By contrast, real libraries contain S-function
behavioral models that include the most critical error mechanisms that degrade the per-
formance of ��Ms. Table 3.2 summarizes all building blocks modeled in SIMSIDES as
well as the error mechanisms included in their S-function behavioral models.

As an illustration, Figure 3.39 shows some of the most representative libraries and
sublibraries including integrators, resonators, quantizers, and DACs. As illustrated in
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Figure 3.38 Classification of SIMSIDES model libraries.

Table 3.2 Circuits and error mechanisms modeled in SIMSIDES

Circuit Technique Building Block Error Mechanism

Switched-Capacitor Amplifiers Finite and Nonlinear DC gain,
incomplete settling error, output swing
limitation, thermal noise

Switches Thermal noise, finite and nonlinear
switch on-resistance

Capacitors Mismatch, nonlinearities, parasitic
capacitances

Switched-Current Memory cells and
Integrators

Linear and nonlinear gain error, thermal
noise, finite output–input conductance
ratio error, charge injection error,
incomplete settling error

Continuous-Time Integrators Finite and nonlinear DC gain, nonlinear
transconductance, thermal noise,
output swing limitation, transient
response

All circuit techniques Clock generator Clock jitter
Comparators Hysteresis and offset
Quantizers/DACs Nonlinearity (INL), gain error, excess

loop delay, offset
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High-level model SC-FE-integrators

High-level model Gm-C-integrators

High-level model CT GM-LC resonators

Real quantizers&comparators

Real D/A-converters

Figure 3.39 Illustrating some SIMSIDES model libraries.

Figure 3.40, there is a number of different SC integrator S-function blocks with different
number of input branches and nonideal effects included in their models, going from ideal
models to the most precise ones that include all circuit nonidealities. The benefits of this
approach are twofold: On the one hand, it allows to evaluate the impact of isolated circuit
error mechanisms in a very simple way, without dealing with model parameters. This is
particularly appropriate for the high-level sizing process where different error parameters
are taken as design variables. On the other hand, the use of different building-block
model approaches, which evolve from the most ideal and simplest approximations to the
most accurate and complex ones, may be particularly useful for novel designers, who are
not very familiar with some circuit-level parameters used in the most precise behavioral
models.
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Figure 3.40 SIMSIDES library including different SC FE integrator model approaches.
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Apart from the mentioned libraries containing isolated ��M building blocks, SIM-
SIDES includes also some additional libraries with examples of the most commonly used
��M architectures, considering both LP and BP topologies, single-loop and cascade,
single-bit and multibit embedded quantization, different circuit techniques (DT, CT, and
hybrid CT/DT), etc.

3.5.2 Structure of SIMSIDES and User Interface

Figure 3.41 shows the general structure of SIMSIDES. First, the modulator architecture
is defined by properly interconnecting the building blocks included in the SIMSIDES
libraries discussed in the previous section. After the modulator block diagram has been
created, the designer can set the model parameters and the simulation options required
by the toolbox to do the simulation. Most commonly used analyses can be carried out,
namely, time-domain simulations to obtain output spectra and SNR/SNDR-versus-input
curves, parametric simulations considering the variation of a given model parameter,
Monte Carlo simulations, etc. Output data generated by the simulator consists of time-
domain series which can be further processed to get typical performance figures. This
way, both integrator input/output histograms and/or output spectra are computed using
the routines provided by the signal processing toolbox in MATLAB [28]. Other typical
performance metrics can be evaluated, such as SNR/SNDR, harmonic and intermodula-
tion distortion, etc. These figures are computed using a collection of internal MATLAB
routines, specifically developed for SIMSIDES [5].

SIMSIDES includes a graphical user interface (GUI) that allows designers to browse
through all steps of the simulation and to postprocess the simulation results. As an illus-
tration, Figure 3.42 shows some of the most important parts of the SIMSIDES GUI,
highlighting some of its menus. Although a more detailed explanation about SIMSIDES

Histograms
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SNDR

THD/
INL

Output
spectrumIBN MTPR

SIMSIDES
MODEL

LIBRARIES

Simulation (SIMULINK)

Simulation output data

∑ΔM Architecture
description

Signal processing (MATLAB)

SIMULINK
LIBRARY

Time-domain
analysis

Parametric
analysis

Monte Carlo
analysis

Figure 3.41 General structure of SIMSIDES.
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Figure 3.42 Illustrating some parts of the SIMSIDES GUI.

GUI is given in Appendix A, the use of the toolbox is illustrated in this section through a
simple example based on the behavioral model of a cascade 2-1 SC-��M, where several
types of analyses are carried out.

Creating a New ��M Block Diagram

SIMSIDES is started by typing simsides in the MATLAB command window and
the main window is displayed. Selecting the pop-up menu named File and then New
Architecture (Figure 3.42), a new (empty) SIMULINK model window is displayed.
This is illustrated in Figure 3.43 for a cascade 2-1 SC topology that can be created
by adding building blocks from Edit->Add Block pop-up menu and then choos-
ing the circuit technique to implement the integrator blocks—SC FE integrators in this
case. The corresponding model library—named fesclib in this example (illustrated
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Figure 3.43 Creating the block diagram of a cascade 2-1 SC-��M in SIMSIDES.

in Figure 3.40)—is displayed and the appropriate integrator blocks can be included in
the new model by dragging and dropping the corresponding blocks. A similar procedure
can be followed to incorporate the comparator model and, once all blocks are properly
connected, the block diagram in Figure 3.43 is finished.

Setting Model Parameters

Once the block diagram has been defined, the next step consists of setting the model
parameters. Although this is something that can be done in the MATLAB command
window, as the number of model parameters increases, it becomes more practical to
save their values in an M-file. In addition to the model parameters themselves, some
global parameters must be defined in order to run the simulation. These parameters
are input signal frequency (fi in Figure 3.43), sampling time and frequency (Ts,fs),
and the number of simulation clock cycles (N=65536). The latter must be included in
the Configuration Parameters menu of the SIMULINK model window where
the solver options is also configured (Fixed-step and discrete in this
example).
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Simulation Analyses

After setting the model parameters, a simulation can be started from the Simulation->

Start pop-up menu as is usually done in SIMULINK. This is the usual procedure fol-
lowed in SIMSIDES to run a one-sample simulation that is used for computing an output
spectrum, for instance. Thus, once the simulation has finished, the output spectrum can be
computed and plotted from the Analysis->Node Spectrum Analysis pop-up
menu (Figure 3.42). Selecting this option, a new window is displayed to set some param-
eters required to compute the output spectrum, such as the sampling frequency, the signal
to be processed, as well as some parameters related to the window used for FFT computa-
tion. In the example shown in Figure 3.44a, a Kaiser window with N points and a beta of
30 has been used. As an illustration, Figure 3.44b shows the in-band output spectrum of
the modulator in Figure 3.43. This figure plots also the IBN corresponding to OSR = 128.
This data has been obtained by choosing Analysis->Integrated Power Noise
pop-up menu. In a similar way, the SNR/SNDR can be computed by selecting
Analysis->Integrated Power Noise in the SIMSIDES main window.

Apart from the mentioned simulation analyses, other useful performance metrics can
also be evaluated in SIMSIDES, such as linearity—considering either static figures such
as INL or dynamic figures such as THD or MTPR. All these analyses can be combined
with a parametric analysis in order to evaluate the impact of a given model parameter. This
kind of analysis is especially useful for high-level sizing, as will be illustrated in the next
section. Here, an example of this analysis is shown to obtain a typical SNR-versus-input
figure.

To this purpose, Analysis->Parametric Analysis pop-up menu is chosen and
a new window is displayed as shown in Figure 3.45a. There is the possibility to select
between one-parameter analysis or two-parameter analysis. In this example, the former
case is chosen and the input signal amplitude range is defined. After that, the next steps
consist of defining several parameters required to compute the SNDR. Once all parameters
have been properly defined, the parametric simulation is started. A simulation-progress
window is graphically displayed and finally the results are plotted in Figure 3.45b.
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Figure 3.44 Computing IBN in SIMSIDES: (a) user window and (b) in-band output spectrum.
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Figure 3.45 Computing SNDR versus input amplitude in SIMSIDES: (a) user window and
(b) SNDR versus input amplitude.

3.6 Using SIMSIDES for the High-Level Sizing and Verification of
��Ms

To conclude this chapter, this section illustrates the use of SIMSIDES for the high-level
sizing and verification of ��Ms. To this purpose, two different ��M architectures and
circuit techniques are considered as case studies:
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• An SC second-order single-loop single-bit ��M
• A CT fifth-order cascade 3-2 multibit ��M

3.6.1 SC Second-Order Single-Bit ��M

Let us consider the Z-domain block diagram of a second-order ��M shown in
Figure 3.46a. In this example, an ideal feedback DAC and a one-bit quantization with
1-V FS range will be assumed. This block diagram can be implemented in SIMSIDES
as shown in Figure 3.46b, where Z-domain transfer functions have been replaced by SC
FE integrator S-function blocks as illustrated in Figure 3.46c.

Figure 3.47 represents the ideal modulator output spectrum and the IBN for
OSR = 128, considering a sampling frequency of fs = 2.56 MHz and an input tone
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Figure 3.46 Second-order SC-��M case study: (a) Z-domain block diagram, (b) SIMSIDES
implementation, and (c) symbol of a two-branch SC integrator in SIMSIDES and its equivalent
circuit.
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with half-scale amplitude (0.5 V). The shaped quantization noise increases at a rate
of 15 dB/octave—according to theoretical predictions. The ideal SNR computed by
SIMSIDES is 87 dB (� 14 bit), 103 dB (� 16.8 bit), and 119 dB (� 19.4 bit), respec-
tively, for OSR = 128, 256, and 512, corresponding to a signal bandwidth of Bw =10,
5, and 2.5 kHz, respectively. Alternatively, the same ideal effective resolutions can be
obtained for a signal bandwidth of Bw = 10 kHz if fs = 2.56, 5.12, and 10.24 MHz.
In practice, this ideal performance is degraded by the action of circuit errors. In this
example, the impact of the following nonidealities will be evaluated: opamp finite DC
gain, thermal noise, and incomplete transient response. For each nonideality, the error
bound that allows achieving the ideal effective resolution will be found in order to map
modulator-level specifications onto building-block specifications.

Effect of Amplifier Finite DC Gain

There are two possibilities to analyze the effect of a given error in SIMSIDES. One
consists of using the behavioral model that contains only that isolated effect, whereas the
other consists of using a complete behavioral model in which all error parameters are
set ideal except for those related to the nonideality which is going to be evaluated. In
this example, the first approach will be followed. Thus, in order to simulate the effect of
finite DC gain Av the corresponding S-function models of SC FE integrators available in
SIMSIDES are used.

A parametric analysis can be carried out in SIMSIDES in order to obtain the minimum
(or critical) value of Av—represented by Avcrit

—required to achieve the ideal resolution.
This is illustrated in Figure 3.48 where the SNDR is plotted versus Av for OSR = 128,
256, and 512, resulting in Avcrit

> 100, 200, and 400, respectively.15

Effect of Thermal Noise

Following the same procedure as in the previous section, the effect of circuit (thermal)
noise can be simulated. Two main thermal noise sources are considered, namely, the
input-referred noise of the opamp (denoted as Vn) and the kT/C noise—evaluated by
varying the value of the sampling capacitance Cs. In this example, only the contribution
of the front-end integrator will be taken into account.16

Figure 3.49 depicts SNR versus Vn and Cs for OSR =128, 256, and 512. According to
Equation 3.14, ideal values for other model parameters except Vn and Cs are considered.
Note from Figure 3.49 that a critical value of Vncrit

< 1nV/
√

Hz can be tolerated in all
cases while Cscrit

> 2, 7, and 10 pF is approximately required for OSR =128, 256, and
512, respectively. Note that such large values required for Cs are a direct consequence
of the high effective resolutions with low modulator filter order and single-bit embedded
quantizer. These capacitor values may force reducing the digitized signal bandwidth Bw
in order to reduce the impact of incomplete settling with a feasible power consumption.

15 The parametric analysis varying Av was carried out considering bandwidths of 10 and 20 kHz (and their corre-
sponding values of fs for OSR = 128, 256, and 512). As this nonideality is static, note from Figure 3.48 that the
absolute value of Bw does not have any influence on the results obtained.
16 Note that the noise sources of the second integrator are attenuated in the signal band by the gain of the front-end
integrator.
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Figure 3.48 SNDR versus Av of the ��M in Figure 3.46 for different values of OSR.

Effect of the Incomplete Settling Error

In order to evaluate the impact of the incomplete settling error, two model parameters
are considered, namely, the OTA transconductance gm and the maximum OTA output
current Io. The former determines the minimum requirements in terms of GB, whereas
the latter limits the maximum SR that can be achieved for a given value of the equiva-
lent load capacitance—automatically computed by the SIMSIDES model as discussed in
Section 3.4. As in previous errors, only the impact of the front-end integrator is considered
here for illustration purposes.

Figure 3.50 shows the effect of gm and Io on the performance of the modulator for
different values of OSR. Note that in this case the absolute value of fin and Bw are
important, because the incomplete setting affects the dynamic response of the integrators.
In this example, an input tone at fin = Bw/5 is considered, for Bw = 10 kHz. Figure 3.50a
depicts the modulator SNDR versus gm, for Cs =10 pF and Io = 5 mA. Considering these
simulation conditions, the effect of SR can be neglected. Alternatively, Figure 3.50b
depicts the SNDR versus Io considering gm = 5 mA V−1, so that only the effect of SR is
evaluated and the impact of GB is nulled. The critical values of gm and Io for the different
cases are highlighted in the figure.

Cumulative Effect of All Errors

Simulations carried out in previous sections analyzed the isolated impact of the most
important circuit errors limiting the performance of the ��M shown in Figure 3.46. How-
ever, that performance can be further degraded as a consequence of the cumulative effect
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Figure 3.51 Illustrating the cumulative and isolated effect of the amplifier output current Io.

of the different errors acting together—which is actually the case in practical situations!
To illustrate this effect, Figure 3.51 depicts the modulator SNDR versus Io considering
both its isolated effect and the cumulative effect of this parameter, that is, considering
other nonideal model parameters. Note that in the latter case, a more demanding value of
Io is required to achieve the specified resolution.

Figure 3.52 plots the output spectrum of the modulator considering all circuit errors,
taking into account the critical values of error model parameters obtained for OSR = 512.
Figure 3.53 depicts the SNDR versus input signal level for different values of OSR and
Bw. Note that the achieved effective resolution is according to the specifications.

The results of the high-level sizing process are summarized in Table 3.3, where system-
level (modulator) specifications are mapped into building-block (integrator) specifications.
For the sake of completeness, the required values for GB and SR are also included in
the table. Note that this data takes into account the interaction of different circuit errors
considered in the example and hence may be more restrictive than that obtained from the
isolated analysis described. In this case, the effect of switch on-resistance on the OTA
transconductance and GB described in Section 3.4.1 has not been taken into account for the
sake of simplicity. However, this effect should be considered in practice, resulting in more
demanding integrator dynamic specifications. As an illustration, Figure 3.54 depicts the
information provided by the corresponding SIMSIDES integrator model if the mentioned
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Table 3.3 High-level sizing of the second-order SC-��M shown in Figure 3.46 (Ceq = 2.6 pF)

Model Parameter OSR = 128 OSR = 256 OSR = 512

Av 100 400 400
Vn (nV/

√
Hz) 6 2 1

Cs (pF) 2 7 10
gm (mA V−1) 0.25 0.3 0.6
Io (mA) 0.09 0.5 1
GB (MHz) 100 120 240
SR (Vμs) 46 200 400

Figure 3.54 Information provided by the SIMSIDES SC FE integrator model when the effect of
switch on-resistance is taken into account in the transient response.
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degradation is considered. Among other data, the model provides the effective values of
the equivalent load capacitance, GB, and SR obtained for each clock phase. Taking into
account these model parameters, the half-scale SNDR for OSR = 128 is 78.3 dB, that is,
approximately 9 dB less than the ideal one.

3.6.2 CT Fifth-Order Cascade 3-2 Multibit ��M

The second case study is a CT two-stage cascade ��M consisting of a third-order
front-end stage and a second-order back-end stage. Figure 3.55a shows the conceptual
block schematic of the modulator and its corresponding implementation in SIMSIDES
is depicted in Figure 3.55b [42]. The front-end stage is made up of an integrator and a
resonator, whereas the second-stage loop filter is essentially a resonator. Multibit (4-bit)
quantization and NRZ feedback DAC are used in both stages and DEM techniques are
also included to reduce the impact of DAC mismatch on the modulator linearity. In both
stages an extra feedback branch—made up of a DAC and a D-latch—is connected from
the output to the input of the quantizer to compensate for the effect of excess loop delay
[43], as described in Section 2.10.

The loop filter of both stages is implemented using Gm-C integrators, whereas current-
mode DACs are used in the feedback loop. The modulator has been synthesized in the
CT domain following the methodology described in [44] and resonator poles are placed
at an optimum position to minimize the magnitude of NTF within the signal bandwidth.
Similar to any other cascade ��M, the DCL functions of each stage (i.e., DCL1,2, not
explicitly shown in Figure 3.55 for the sake of simplicity) can be derived from the STF
and NTF of both modulator stages, by annulling the first-stage quantization error at the
overall modulator output [44] (Section 1.5).

Note from Figure 3.55b that Gm-C integrators are implemented in SIMSIDES using the
model described in Section 3.4.2 (Figure 3.34), that is, as the cascade of a transconductor
and an output impedance circuit (output resistance and capacitance in parallel). Alterna-
tively, Gm-C integrators can be also modeled in SIMSIDES as a single building block
as shown in Figure 3.31. This approach is more suited for those ��Ms with a reduced
number of loop-filter coefficients—commonly implemented as transconductors. In con-
trast, the modulator in this example has a number of feed-forward coefficients which are
commonly implemented as transconductors.

Table 3.4 sums up the values of loop-filter transconductances gi, as well as the capac-
itances Ci used in the modulator. These values have been found through an iterative
simulation-based process that, starting from the nominal values required to place the NTF
zeros, optimizes the modulator performance in terms of DR and stability within the FS
range. Unit transconductors are used in the majority of loop-filter transconductors which
can be tuned to keep the time constant C/gm unchanged over C variations.

Figure 3.56a shows the ideal output spectrum of the modulator considering an
−20 dBFS input tone at 1.49 MHz when clocked at fs = 240 MHz. Note that shaped
quantization noise presents two notches at 11.5 and 18.5 MHz which minimize the IBN
in the target signal bandwidth (Bw = 20 MHz). The ideal effective resolution achieved
by the modulator is illustrated in Figure 3.56b that depicts the SNDR versus input signal
level for OSR = 6, corresponding to fs = 240 MHz and Bw = 20 MHz. Under these
conditions, the maximum effective resolution that can be achieved is approximately
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Table 3.4 Loop-filter coefficients of the CT cascade 3-2 ��M in Figure 3.55

Unit circuit elements
Cu = 3.65 pF, gu = 190 μA V−1

Capacitors
C1 = C2 = C3 = Cu, C4 = C5 = 2Cu
Feed-forward transconductances
gin1 = 852 μA V−1, gff0 = gff2 = 2gu, gff1 = 4gu, gin2 = gff3 = 5gu
gg1 = gg5 = 3gu, gg2 = 5gu, gg2 = gu, gg4 = 7gu

Feedback transconductances
gfb1 = gfb2 = gu, kfb1 = 730 μA V−1, kfb2 = 6gu
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Figure 3.56 Ideal simulation results of the modulator in Figure 3.55: (a) output spectrum and
(b) SNDR versus input signal level for OSR = 6 (Bw = 20 MHz, fs = 240 MHz), considering a
FS reference of 0.5 V.

13 bit. However, this performance is degraded in practice by the action of circuit
nonidealities, as analyzed subsequently.

Impact of Nonideal Effects

The behavioral model used for the transconductors in SIMSIDES takes into account
several nonideal circuit effects,17 including finite DC gain, output saturation voltage, and
the input-referred third-order intercept point IIP3. As an illustration, Figure 3.57 shows
the effect of the finite DC gain of loop-filter transconductors on the SNDR for OSR =
6, 12, 24, when clocked at fs = 240 MHz. It can be noted that as the OSR increases,
the effect of this error is attenuated, as predicted by the theoretical analysis described in
Section 2.2. For a signal bandwidth of Bw = 20 MHz (OSR = 6), a finite DC gain larger
than 50 dB is required.

17 A more detailed explanation of the nonideal circuit effects and electrical parameters included in SIMSIDES
block models can be found in Appendix B.
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Figure 3.57 Effect of finite DC gain of loop-filter transconductors on the SNDR of Figure 3.55
for different values of OSR.

Figure 3.58 illustrates the effect of IIP3 on the modulator performance, comparing
the degradation caused by different transconductors, namely, front-end transconductor
(gin1 in Figure 3.55), input feed-forward transconductor (gff0), and the rest of loop-filter
transconductors. Figure 3.58a and b illustrates the output spectrum of the modulator
considering two −10 dBFS input tones located at 1.49 and 2.02 MHz. The output spectrum
in Figure 3.58a assumes an IIP3 = 20 dBm for all loop-filter transconductors and that
gin1 and gff0 are ideal. In contrast, Figure 3.58b assumes that all transconductors are ideal,
except for the front-end transconductor that has an IIP3 = 20 dBm. As expected, the front-
end transconductor severely degrades the linearity of the modulator, causing a number of
intermodulation products to appear in the signal band. The effect of the nonlinearity of the
different transcondutors on the modulator resolution is better illustrated in Figure 3.58c
that represents the SNDR versus IIP3 of the different types of transconductors in the
modulator. Note that the effective resolution is not degraded if IIP3 > 28 dBm in the
front-end transconductor. This specification is relaxed for the rest of transconductors, in
which IIP3 > 5 dBm is enough to achieve the ideal SNDR.

Apart from the impact of the aforementioned nonidealities, the effect of circuit element
tolerances and component mismatch are particularly critical in the design of cascade CT-
��Ms. The absolute tolerances can be controlled by using time-constant tuning, as is
the case for this design example. However, the impact of mismatch error still remains
and must be taken into account at the early design stages. Behavioral simulation using
SIMSIDES can be used for this purpose. Thus, in order to evaluate the impact of this
error on the performance of the modulator in Figure 3.55, maximum values of mismatch
were estimated for the 130 nm CMOS process of the final implementation. The results of
this analysis are shown in Figure 3.59, where the SNR is represented as a function of the
standard deviation of transconductances and capacitances (σgm and σC, respectively). Note
that for each point of this surface, a Monte Carlo analysis consisting of 150 SIMSIDES
simulations was carried out. The value of SNR that is represented in this figure corresponds
to that obtained by more than 90% of the simulations for each value of σgm and σC. Note
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tors are ideal, except for gin1 that has an IIP3 = 20 dBm, and (c) SNDR versus IIP3 for the
different transconductors.

that even for the worst-case mismatch, an effective resolution higher than 12 bits can be
achieved.

High-Level Synthesis and Verification

As a case study, let us consider that the modulator in Figure 3.55 is designed to fulfill the
following specifications: 12 bit effective resolution within 20-MHz signal bandwidth [44].
These specifications can be mapped onto the modulator building-block specifications by
following a parametric-based analysis, as described in the previous section. Alternatively,
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an optimization-based procedure can be followed in which an optimization engine is used
for design parameter selection and a behavioral simulator (SIMSIDES in this case) is
used for performance evaluation [5]. As an illustration of the latter approach, a statisti-
cal optimizer was combined with SIMSIDES for the high-level sizing of the ��M in
Figure 3.55.

Table 3.5 sums up the results of the sizing process, showing the critical (maxi-
mum/minimum) values of the circuit electrical performance parameters that can be
tolerated to meet the required modulator performance. As stated earlier, the specifications
of the front-end transconductor—specifically the finite DC gain and the third-order
nonlinearity—are more demanding than the rest of transconductors. For this reason,
different circuit topologies are, in practice, used for implementing the front-end
transconductor and the loop-filter transconductors in Gm-C ��Ms, as will be discussed
in Chapter 4.

Apart from the transconductor specifications, the electrical parameters of other building
blocks—such as the comparators used in embedded multibit flash ADCs or the current-
mode feedback DACs—are also given in Table 3.5. A description of the behavioral models
of these blocks and their associated parameters can be found in Appendix B. In addition
to the requirements listed in Table 3.5, the modulator building blocks must be designed
so that their thermal noise contribution does not limit the modulator resolution. This is
particularly critical for the front-end transconductor and feedback DAC1 in the first stage,
which are connected to the modulator input. Therefore, the impact of noise sources in
these blocks should be evaluated in SIMSIDES following a parametric analysis similar
to that shown in Section 3.6.1.

Figure 3.60 shows the SNDR curve of the modulator in Figure 3.55b when all nonideal
effects are taken into account. It can be noted that the peak SNDR is 76.8 dB (12.5
bit), which meets target specifications. Therefore, once the performance of the modulator
has been validated by behavioral simulation considering the impact of the main circuit
error mechanisms, the resulting building-block electrical parameters in Table 3.5 can be
used as initial design specifications for the modulator subcircuits at transistor level. Their
implications in the transistor-level design and their corresponding design trade-offs will
be discussed in Chapter 4.
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Table 3.5 High-level sizing of the CT cascade ��M in Figure 3.55

Front-End Transconductor
Finite DC gain ≥ 70 dB
Linear input swing ≤ 0.3 V
Linear output swing ≤ 0.3 V
Third-order nonlinear coefficient ≤ −86 dB
Loop-Filter Transconductors
Finite DC gain ≥ 50 dB
Linear input swing ≤ 0.3 V
Linear output swing ≤ 0.3 V
Third-order nonlinear coefficient ≤ −56 dB
Multibit Embedded ADCs
Comparator offset ≤ 20 mV
Comparator hysteresis ≤ 20 mV
Comparator resolution time ≤ 1 ns
Feedback DACs
Unit current standard deviation ≤ 0.15%LSB
Finite output resistance ≥ 12M�

Settling time ≤ 0.5 ns
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Figure 3.60 SNDR versus input signal level considering all nonideal effects in Figure 3.55.

3.7 Summary

This chapter discussed the use of behavioral modeling and simulation techniques for the
high-level analysis and synthesis of ��Ms. After examining different approaches and
alternatives to the transistor-level electrical simulation of ��Ms, it has been demon-
strated that using time-domain behavioral models implemented with MATLAB C-MEX
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S-functions is a very efficient technique in terms of accuracy, CPU simulation time, and
flexibility to incorporate new circuit effects and building-block models. A step-by-step
procedure to implement precise ��M behavioral models using this technique has been
described in detail and applied to the fundamental ��M building blocks, namely, inte-
grators, quantizers, and embedded DACs. On the basis of this modeling approach, a
SIMULINK-based time-domain behavioral simulator for ��Ms named SIMSIDES has
been described and some case studies have been presented to illustrate the use of this
simulator in the high-level sizing and verification of ��Ms. The results obtained from
this process constitute the starting point for the electrical (transistor-level) design and
verification of ��Ms described in Chapter 4.
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[19] G. Suárez, M. Jiménez, and F. O. Fernández, “Behavioral Modeling Methods for Switched-Capacitor ��

Modulators,” IEEE Transactions on Circuits and Systems—I: Regular Papers , vol. 54, pp. 1236–1244,
June 2007.

[20] A. V. Oppenheim and R. W. Schafer, Discrete-Time Signal Processing , 3rd edn, Prentice Hall, 2009.
[21] Synopsys, HSPICE Simulation and Analysis User Guide, Synopsys Inc., 2006.
[22] Cadence, Spectre Circuit Simulator User Guide, Cadence Design Systems Inc., 2002.
[23] R. Bishop et al., “Table-based Simulation of Delta-Sigma Modulators,” IEEE Transactions on Circuits

and Systems—I , vol. 37, pp. 447–451, March 1990.
[24] G. Brauns et al., “Table-based Modeling of Delta-Sigma Modulators using ZSIM,” IEEE Transactions on

Computer-Aided Design of Integrated Circuits and Systems , vol. 9, pp. 142–150, February 1990.
[25] IEEE-Standards, “IEEE VHDL Language Reference Manual,” IEEE Std 1076-2002, 2002.
[26] IEEE-Standards, “IEEE VHDL 1076.1 Language Reference Manual,” IEEE Std 1076.1-1999, 2002.
[27] Cadence, Cadence Design Framework II , Cadence Design Systems Inc., Available at: http://www.

cadence.com., 2010.
[28] Mathworks, Using MATLAB Version 6, The Mathworks Inc., 2002.
[29] Mathworks, Using SIMULINK Version 5, The Mathworks Inc., 2002.
[30] Mathworks, Stateflow 7.7, The Mathworks Inc., 2002.
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4
Circuit-Level Design,
Implementation, and Verification
The behavioral modeling and simulation techniques described in Chapter 3 can be used
for the high-level synthesis and verification of ��Ms so that the modulator-level spec-
ifications are efficiently mapped onto building-block (circuit-level) specifications. Thus,
at this stage of the design cycle, the modulator is still modeled at system level, but
the electrical performance parameters of all ��M circuit elements (switches, capacitors,
amplifiers, transconductors, comparators, etc.) have been already derived from the high-
level sizing process. Those parameters are in turn the circuit-level specifications, which
constitute the start point for the electrical (transistor-level) and physical design process of
the modulator. This process—conceptually illustrated in Figure 4.1—comprises a num-
ber of successive steps in which the initial behavioral-model diagram of the modulator
is transformed into a circuit schematic—initially implemented with macromodels and
finally with transistors—afterward into a layout, and finally into a chip implementation
for experimental verification in a laboratory.

This chapter gives some design issues and practical recipes to complete the design flow
illustrated in Figure 4.1. Section 4.1 deals with macromodel implementation of ��Ms as
an essential design stage to relate behavioral-level models with circuit-level description.
Section 4.2 describes how to include circuit noise in electrical-level simulations of ��Ms
and Section 4.3 shows how to process the modulator output data extracted from electrical
simulations in SPICE-like simulators, in order to characterize the performance of ��Ms.
Section 4.4 moves down to the transistor-level implementation, giving a number of prac-
tical design guidelines and describing diverse simulation test benches to properly design
and characterize the performance of basic ��M building blocks. Other auxiliary circuits
needed to implement ��Ms are discussed in Section 4.5. Finally, Sections 4.6 and 4.7
deal with some of the most important design issues related to the layout, prototyping, and
testing of high-performance ��Ms.

4.1 Macromodeling ��Ms

The transformation from a behavioral-level description into a circuit schematic as con-
ceptually depicted in Figure 4.1 is carried out in several steps. Thus, at the early stages
of the design cycle, hardware description languages (HDL), such as Verilog-A [1], and

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.
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Figure 4.1 Conceptual step-by-step design flow of ��Ms.

macromodels are used for representing different modulator building blocks. These mod-
els include main circuit error limitations derived from system-level behavioral models,
for instance implemented in SIMSIDES. These models are progressively replaced by
transistor-level implementations as the different ��M blocks are designed. This way, the
performance of the modulator is analyzed and checked at different stages of the design
cycle by combining the impact of those subcircuits which have been designed at the
transistor level with those ones which have not been sized yet.

This section explains how to use macromodels to implement ��Ms at the circuit level
in electrical simulators. Most important building-block equivalent circuits are derived and
some examples are shown to illustrate their use.

4.1.1 SC Integrator Macromodel

Figure 4.2 shows a single-ended equivalent circuit frequently used for simulating FE
SC integrators with macromodels. The corresponding macromodel for a fully-differential
implementation is shown in Figure 4.3 [2]. Both equivalent circuits use ideal capaci-
tors, whereas the switches and the OTA include nonideal circuit effects as discussed
subsequently.

Switch Macromodel

As illustrated in Figure 4.2, switches are usually modeled as a linear switch on-resistance
Ron in series with an ideal switch, which is controlled by the corresponding clock phase,
either φ1 or φ2. Note that the switch model in SPICE-like simulators consists of a highly
nonlinear resistor whose resistance depends on the control clock-phase voltage vφ as
follows:

Rswitch =
{

Ron vφ ≥ vTS

Roff vφ < vTS

(4.1)
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where Roff stands for the switch off-resistance that is ideally Roff → ∞, and vTS stands
for a threshold voltage that determines if the switch is either closed (on) or open (off).
In practice, an almost ideal switch can be modeled in electrical simulators by setting Roff
and Ron just high/low enough to be negligible with respect to other circuit elements [3].
For instance, typical values of Ron are chosen to be in the order of μ�, while a very high
value of Roff is considered, typically in the order of G�.1

Instead of using this simple model, a macromodel that is closer to the transistor-level
topology implementation can be used. For instance, let us consider a CMOS switch similar
to those shown in the sampling circuit of Figure 2.21. This switch is made up of a pMOS
switch and an nMOS switch connected in parallel. Figure 4.4 shows an equivalent circuit
that takes into account the on-resistance of both MOST switches as well as their associated
parasitic capacitances, denoted as Cps. Note that this macromodel keeps the symmetry of
the original MOST-based circuit.

1 Note that quasi ideal values of Roff and Ron can cause tolerance and convergence problems in electrical simula-
tions. This can be controlled by properly setting the corresponding numerical tolerance parameters in the simulation
options [4].
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OTA Macromodel

The OTA circuit is modeled by a well-known single-pole amplifier where gm, go, and Co
denote, respectively, the transconductance, output conductance, and output capacitance.
In addition, the voltage-controlled current source used for modeling the OTA transcon-
ductance has two saturation limits, (−Io, +Io). These limits model the minimum and
maximum output currents provided by the OTA. This way, this equivalent circuit takes
into account the finite DC gain, GB, and SR limitations of the OTA, respectively given by

Av ≡ gm

go
, GB ≡ gm

Co
, SR ≡ Io

Co
(4.2)

Note that real values of GB and SR deviate in practice from the above expressions
because of the effect caused by bottom-plate parasitic capacitances, denoted as Cp in
Figure 4.3, as well as the capacitive load due to the SC network connected at the output
of the integrator.

4.1.2 CT Integrator Macromodel

The equivalent circuit normally used for the macromodel of CT integrators is based on a
one-pole (or two-pole) OTA model together with the additional circuit elements that are
required to implement the integrator topology, that is, Gm-C, active-RC, etc. [5].

Active-RC Integrators

Figure 4.5 shows a simple macromodel circuit commonly used for active-RC implementa-
tions. In this example, a one-pole OTA model similar to that shown in Figures 4.2 and 4.3
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is used, although higher dynamics can be implemented if necessary. In a similar way to
SC integrators, parasitic and load capacitances of the OTA can also be considered.

Gm-C Integrators

On the basis of the same OTA macromodel circuit, Gm-C integrators can be modeled by
the equivalent circuit shown in Figure 4.6a, which includes a second pole modeled by
the time constant RpCp. In this case, the S-domain transfer function of the integrator is
given by

vo(s)

vi(s)
= −gm/go

(1 + sC /go)(1 + sRpCp)
(4.3)

vi

vo

Cp

Cp

vi

Rp

+

+

−

+ +

−

+

−

−

−
C

OTA two-pole
linear macromodel

OTA one-pole
nonlinear macromodel

vx

io = gm vi – g3 vi
3

io

Io
C

Io

1/go

1/go

−Io

vo

vo

Co−Io

gmvx

(a)

(b)

vi

Figure 4.6 Gm-C integrator macromodel: (a) two-pole linear model and (b) one-pole weakly
nonlinear model.
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4.1.3 Nonlinear OTA Transconductor

The OTA macromodel considered in previous sections assumed a linear model for the
transconductance gm and an output current saturation Io. In practice, the transconductor
of the OTA is assumed to be weakly nonlinear, such that its static output current io is
related to the OTA input voltage vi as follows [6]:

io =
⎧⎨
⎩

gmvi − g3v
3
i |vi| ≤ IIP3

2

sgn(vi)Io |vi| > IIP3
2

(4.4)

where sgn(x) denotes the sign function of x, g3 is the third-order nonlinear coefficient
of the transconductor, IIP3 stands for the input-referred third-order intercept point, and
Io is the maximum output current provided by the transconductor. It can be shown from
Equation 4.4 that IIP3 and Io are related to gm and g3 as follows:

IIP3 = 2
√

gm

3g3
(4.5)

Io = 2gm

3

√
gm

3g3
(4.6)

Figure 4.6b shows an equivalent circuit for the OTA macromodel that includes the weakly
nonlinear transconductance element. Note that this equivalent circuit can be easily mod-
eled in SPICE-like simulators using nonlinear voltage-controlled current sources [3].
Moreover, other sources of nonlinearities associated with the voltage dependency of inte-
grated resistors and capacitors can also be included in the integrator macromodels using
signal-dependent voltage/current sources. However, this kind of nonlinear effects are more
accurately considered in the simulation when the circuit is modeled at device level, that
is, taking into account the device models provided by the foundry, such as unsalicided
polysilicon resistors or MiM capacitors.

4.1.4 Embedded Flash ADC Macromodel

Multibit/multilevel ADCs required to implement the quantizers embedded in ��Ms are
typically implemented using a well-known flash architecture. This kind of ADCs is made
up of a bank of comparators that compare the quantizer input signal (i.e., the output of
the integrator connected to the quantizer) with a set of reference voltages generated in a
resistor ladder [7]. These reference voltages correspond to the transition points between
the different adjacent quantization intervals [8].

As an illustration, Figure 4.7a shows the fully-differential schematic of a trilevel flash
ADC, which is made up of two comparators and a resistive divider. The latter is made
up of four unit resistors Ru, which are connected in series between the negative reference
voltage Vref− = −vref and the positive reference voltage Vref+ = vref. In this example,
there are two transition points, −vref and +vref, in the quantizer differential characteristic
illustrated in Figure 4.7b, which correspond to the differential tabs of the resistor ladder
in Figure 4.7a. Thus, the quantizer input vi ≡ vi+ − vi− is compared with VR+ − VR− and
VR− − VR+, in the first and the second comparator, respectively. The thermometer code
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Figure 4.7 Macromodeling multilevel flash ADCs: (a) conceptual schematic of a trilevel flash
ADC and (b) static differential transfer characteristic.

generated at the comparators outputs is converted into a 1-of-3 code (d0−2) using three
AND gates.

The circuit shown in Figure 4.7a can be used for simulating ��Ms with macromodels.
To this end, resistors are considered ideal circuit elements,2 while comparators and AND
gates are modeled using Verilog-A. As an illustration, Figure 4.8 shows the Verilog-A
code used for modeling the comparators in Figure 4.7. The model—based on the Open
Verilog International (OVI) language reference manual [10, 11]—is quite simple and
includes the input offset. The comparison only takes place when the clock signal named
enable is in the high state. The static input–output transfer characteristic is computed
by using an hyperbolic tangent function (tanh), which is scaled by a parameter named
comp_slope. The latter determines the static resolution of the comparator by modifying
the voltage gain around the input offset voltage, modeled by sigin_offset parameter.

4.1.5 Feedback DAC Macromodel

There are essentially two types of feedback DAC circuits used in ��Ms, namely SC
DACs and current mode, also named current-steering (CS) DACs [12]. The former are
mainly used in SC-��Ms, although they are used also in some CT-��Ms, specifically
those implemented with active-RC integrators intended for low-frequency applications
[13]. In contrast, switched-current3 or current-steering feedback DACs are commonly
used in wideband CT-��Ms, particularly—but not only—those based on Gm-C loop-
filter implementations.

As an example of SC DACs, let us consider again the trilevel ADC shown in
Figure 4.7a. The 1-of-3 coded digital output (d0, d1, d2) is fed back to the ��M
loop-filter SC integrators by using three AND gates as illustrated in Figure 4.9. In this

2 These resistors are commonly implemented in practice using unsalicided p+ poly layers [9].
3 Current-mode feedback DACs are also used in SI-��Ms, which are a particular case of DT-��Ms where the
loop filter processes current-mode signals, and it is implemented with SI integrators instead of SC integrators [14].
The difference between switched-current cells and current-steering DACs will be discussed later on in this chapter.
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Figure 4.8 Verilog-A code used for simulating comparators in quantizer macromodels [10, 11].

case, the macromodel of the DAC is simply based on the Verilog-A models of the AND
gates as well as the macromodel circuits used for the switches described in Section 4.1.1.

Following the same philosophy, a macromodel circuit that can be used for current-
steering DACs is based on simple macromodels of current sources and switches.4 As
an illustration, Figure 4.10 shows the macromodel of a fully-differential trilevel current-
steering NRZ DAC. It consists of a set of current sources controlled, through switches,
by a 1-of-3 coded digital data (di). As will be discussed later in this chapter, the ideal

4 Alternatively, a more ideal macromodel can be simply based on voltage-controlled current sources as will be
illustrated later in this chapter.
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operation of the current sources, and consequently the current-steering DAC, is degraded
in practice by mismatch errors, finite output impedance (of the current sources), thermal
gradients, etc. The majority of these errors, such as mismatch and technology-related
errors, require doing a large number of simulations in order to evaluate their impact on
the performance of the modulator. For that reason, these errors are usually considered at
system-level behavioral models, for instance implemented in MATLAB/SIMULINK as
described in Chapter 3. Some other nonidealities, such as output impedance of current
sources, which also affect the dynamic operation of the modulator loop filter, can be
easily macromodeled by simply including an output resistance in parallel with each unit
(or reference) current source, as illustrated in Figure 4.10.

4.1.6 Examples of ��M Macromodels

To conclude this section, a couple of examples are described to illustrate the use of the
macromodels for the implementation of ��Ms. The first one is based on SC circuits
while the second one is implemented with active-RC circuits. In both cases, the well-
known, single-loop, second-order ��M is used as a demonstration vehicle, considering
an embedded trilevel quantizer.

SC Second-Order Example

Figure 4.11 shows the conceptual schematic of the second-order SC-��M under
study, which includes a trilevel embedded quantizer. The values of capacitors used are
highlighted in the figure. The circuit elements forming this modulator—that is switches,
amplifiers, a flash (trilevel) ADC, and an SC (trilevel) DAC—can be implemented using
the macromodels described in previous section.
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Figure 4.12 Implementation of the modulator in Figure 4.11 using Cadence Virtuoso Schematics.

Figure 4.12 shows the schematic of the modulator in Figure 4.11 implemented in
Cadence Design FrameWork, using Cadence Virtuoso Schematic. In this example, ideal
clock phases (implemented with ideal voltage sources) are used for the sake of simplicity.
This is a common practice at the very beginning of the design phase as the use of a
clock-phase generator circuit—discussed later in this chapter—slows down the simulations
unnecessarily.

Note that each modulator building block in Figure 4.12 uses a suitable schematic sym-
bol. This is very useful in practice to clearly identify the different parts of the modulator
and to establish an appropriate hierarchic partitioning that allows us to systematize the
design from a top-down/bottom-up approach. This way, designers can move through the
modulator hierarchy, using the most convenient schematic representation according to the
circuit part being analyzed. As an illustration, Figure 4.13 shows the macromodel of the
first integrator in Figure 4.12, where the symbols for the switches, capacitors, and opamps
are clearly identified.

As discussed earlier in this chapter, the use of even ideal macromodels allows designers
to clearly define the electrical representation of a ��M circuit, including all their nodes
and branches. These macromodels can be progressively replaced by their transistor-level
implementations as the different building blocks are being sized. This is something that
can be done very easily in some circuit design environments, such as in Cadence Design
Framework. Figure 4.14 shows how to change the type of implementation, often referred
to as view. Note that four different cell view names are available in this example: sym-
bol (which is the highest abstraction level), macromodel, schematic (transistor-level),
and layout.

As an illustration, Figure 4.15 shows the macromodel of different parts of the SC inte-
grator in Figure 4.13. Figure 4.15a shows the macromodel of the fully-differential amplifier
and Figure 4.15b depicts the macromodel of a CMOS switch. In both cases, the different
model parameters can be set according to the building-block specifications derived from
behavioral simulations, for instance using SIMSIDES as described in Chapter 3.
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Figure 4.13 Schematic of the SC first integrator of Figure 4.12.
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Figure 4.14 Illustrating the selection of a circuit view name in Cadence Design FrameWork.
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Figure 4.15 Illustrating the macromodel implementation of different circuit elements of SC inte-
grators in Cadence Design FrameWork: (a) fully-differential amplifier and (b) switch.
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Second-Order Active-RC ��M

Figure 4.16 shows the conceptual schematic of a second-order active-RC ��M with
trilevel embedded quantizer. For the sake of simplicity, the modulator does not include any
excess-loop delay cancellation technique. The values and expressions of the resistances,
capacitances, and feedback DAC currents are shown in the figure, where Vref denotes the
FS reference voltage of the modulator.

The circuit shown in Figure 4.16 can be modeled very easily using the macromodel
circuits described in previous sections. Figure 4.17 shows an example implemented
in Cadence Virtuoso schematic editor, highlighting the main parts of the circuit. The
opamp included in the active-RC model (Figure 4.17b) uses the macromodel described
in Figure 4.5b. In this example, the trilevel quantization is implemented as illustrated in
Figure 4.18. The ADC, depicted in Figure 4.18a, is modeled as shown in Figure 4.7b.
However, for the sake of simplicity, the current-steering DAC, shown in Figure 4.18b, is
modeled by two ideal voltage-controlled current sources, which emulate the ideal switches
connected in series with the reference currents (Figure 4.10).

4.2 Including Noise in Transient Electrical Simulations of ��Ms

As stated in Chapter 2, circuit noise is an ultimate limiting factor degrading the perfor-
mance of ��Ms. Therefore, it is essential to take into account this effect in all steps of
the design flow. At system level, accurate models described in Chapter 2 can be incorpo-
rated in behavioral simulations, for instance, using SIMSIDES as detailed in Chapter 3.
At electrical level, however, the majority of SPICE-like simulators do not include noise
sources in the transient analysis,5 which makes their analysis at transistor level more
complicated.

5 The majority of examples included in this book used Synopsis® HSPICE®. However, recent versions of some
SPICE-like simulators, such as Cadence-Spectre [15] incorporates the possibility to include noise sources in
transient analysis. However, the method described in this section allows to isolate the effect of a given noise
source instead of considering all noise sources acting together, as done in a regular noise analysis in CADENCE-
SPECTRE. Moreover, the methodology explained in this book is well known and can be applied to the majority
of SPICE-like simulators, including SPECTRE as well.
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Figure 4.17 Schematic of the modulator in Figure 4.16 implemented in Cadence Virtuoso
schematic editor: (a) modulator and (b) active-RC integrator.

This section describes a methodology that allows designers to do electrical (transistor-
level) simulations of ��Ms including noise sources. The method—based on generating
a noisy data sequence in MATLAB and then injecting this data sequence in the electrical
simulation—can be used in most SPICE-like simulators such as PSPICE and HSPICE
[4, 16].
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Figure 4.18 Illustrating the macromodel implementation of a trilevel quantizer in Cadence Vir-
tuoso schematic editor: (a) flash ADC and (b) current-steering DAC.

4.2.1 Generating and Injecting Noise Data Sequences in HSPICE

Let us consider the simple SC circuit shown in Figure 4.19a, in which a noise voltage
source vni is sampled by an ideal switch S1 and stored on capacitor CS. This circuit
can be simulated using the HSPICE netlist shown in Figure 4.19b. In this example
CS = 1 pF, the switch off/on-resistances used in the ideal switch model are, respectively,
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Figure 4.19 Injecting noise data sequences in transient HSPICE simulations: (a) sampling circuit
example and (b) SPICE netlist.

Roff = 1015� and Ron = 100� and the clock frequency is fs = 100 MHz. Note that the
noise sequence data is injected in the HSPICE transient simulation through the use of the
.DATA statement [16]. This command allows inclusion of data that has been externally
generated. In this example, a two-column (time, voltage) format file, named noise-
data, is loaded, and the transient analysis uses the time data provided in column 1 of
file noisedata as the sweep input parameter.

In order to compute the noise data used in the electrical simulations, it should be taken
into account that vni(t) is a random signal, and hence, its instantaneous value is not
known. Instead, it can be described as a random process of zero mean and an amplitude
uniformly distributed in the range (−Vni/2,+Vni/2), where Vni denotes the rms value of
vni(t). In this case, the mean-square value of vni is given by [17]

v2
ni = 1

Vni

+Vni/2∫
−Vni/2

v2
nidvni = V 2

ni

12
(4.7)

Assuming a band-limited noise source, the PSD of vni can be computed as

Svni
� v2

ni

Bwni
= V 2

ni

12Bwni
(4.8)

where Bwni stands for the equivalent noise bandwidth of vni. Hence, if vni(t) is sampled
at fsn, the value of vni at instant nTsn can be computed as

vni(nTs) = rnd(
√

12fsnSvni
) (4.9)

where rnd(x) represents a random number in the range (−x/2,+x/2) and Tsn ≡ 1/fsn
[18].
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Noise source parameters

Noise data generation

Save data to a file

Figure 4.20 MATLAB code used for generating an N-point data sequence derived from
Equation 4.9.

Figure 4.20 shows the MATLAB code used for generating an N-point data sequence
derived from Equation 4.9. Note that the data sequence is saved as a two-column format
file, in which the first column represents the time series (i.e., 0, Ts, 2Ts, . . . ) and the
second column is the noise data sequence generated using Equation 4.9.

As an illustration, Figure 4.21 shows the PSD of the noise sampled and stored in the
capacitor of Figure 4.19a, considering different values of fs. In this example, a noise
source with Vni = 10 μVrms, Bwni = 1 GHz, and fsn = 2Bwni was considered in order
to emulate an unlimited-band noise source. This way, the time interval between two
consecutive samples is low enough (1 ns in this example), thus enabling to model the
noise source as a CT source [19], which is filtered by the circuit made up of Ron and
CS, with Ron being the switch on-resistance. This results in an equivalent bandwidth of
the sampled noise given by 1/(4RonCS). As shown in Figure 4.21, aliasing occurs in this
case because fs < 1/(4RonCS). As a consequence the noise power increases within the
Nyquist band, that is, from DC to fs.

4.2.2 Analyzing the Impact of Main Noise Sources in SC Integrators

The simulation technique formerly described can be used for verifying the impact of most
critical noise sources on the performance of main �� building blocks through transient
SPICE simulations. This is particularly critical in SC circuits because of the action of
their sampled-data circuit nature, with the subsequent effect of the sampling process on
noise sources.

As an illustration, let us consider an SC FE integrator similar to that shown in
Figure 3.5a. As stated in Chapter 2, their main sources of circuit noise are generated
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Figure 4.21 Illustrating the effect of sampling noise in HSPICE transient simulations. Output
spectrum of the voltage stored in CS in Figure 4.19a, considering the following simulation data:
Ron = 50�, C = 0.5 pF, fs = 1 MHz.

in the switches and in the amplifier. Figure 4.22 shows the circuit schematics that
can be used for evaluating the influence of these noise sources on SC integrators and
Figure 4.23 shows the corresponding HSPICE netlist. Note that all circuits are built
through simple macromodels for the switches and the amplifier in order to isolate the
effect of the different error sources to be considered. Figure 4.22a shows the schematic
used for simulating the thermal noise introduced by switches controlled by clock phase
φ1, and Figure 4.22b shows the corresponding test-bench schematic for the evaluation of
thermal noise generated in the switches controlled by φ2. The test-bench schematic used
for the noise sources generated in the amplifier is shown in Figure 4.22c. In the latter
case, both thermal and flicker noise components need to be generated. This can be done
as detailed in the next section.

4.2.3 Generating and Injecting Flicker Noise Sources in Electrical
Simulations

The procedure described in Section 4.2.1 assumed white noise sources. However, some
noise sources of noise in ��Ms also include flicker (1/f ) noise components that might
be critical in low-bandwidth applications such as sensors, instrumentation, and biomedical
applications.
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Figure 4.23 HSPICE netlist of the circuits shown in Figure 4.22.
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Flicker noise can be generated as a colored noise sequence in MATLAB by filtering a
white noise source through a filter with the following transfer function [20]

Hf(z) = 1

(1 − z−1)α
(4.10)

where α is a real number between 0 and 2. This way, the corresponding noise sequence
data can be injected in HSPICE transient simulations using the same method as that
described in previous sections.

Alternatively, colored noise data sequence, including both 1/f and white noise compo-
nents, can be generated by extracting the PSD data of the corresponding noise source using
a .NOISE analysis in SPICE and then, generating a noise time sequence in MATLAB
which is equivalent to the captured PSD, and that can be injected in transient simulations
using the .DATA statement.

Figure 4.24 shows a MATLAB code used for generating a time data sequence according
to the electrical data captured from a .NOISE simulation in HSPICE. In this example,
simulation output data resulting from the noise analysis in HSPICE is stored in a file
named psd_eq_preamp_1f_white_RRF.dat, which is assumed to be expressed in
V 2/Hz, that is, corresponding to a PSD curve. Both PSD and rms values of the 1/f and
white noise components are identified and computed, and the corresponding time data
series are generated using Equation 4.9.

As an illustration, Figure 4.25 shows the output spectra generated by the MATLAB
routine in Figure 4.24. Note that a huge number of points (N = 225 in this example) are
required to generate FFTs at low frequencies and see the flicker noise corner frequency.

4.2.4 Test Bench to Include Noise in the Simulation of ��Ms

At the end of the design phase, transistor-level simulations of the whole ��M are manda-
tory in order to check that the electrical performance agrees with system-level behavioral
simulations, and consequently with target specifications. In this situation, injecting noise
sources in SPICE transient simulations is required. To this end, the total input-referred
noise source, including the effect of sampling, can be generated and injected at the input
node of the modulator following the methodology described in previous sections.

As an illustration, Figure 4.26a shows how to inject noise in transient simulations
carried out using Cadence Virtuoso Schematic Editor [21] and Cadence-Spectre simulator
[15]. The input-referred noise source is injected in the modulator (a fourth-order cascade
2-2 SC architecture in this example) by including a piece-wise linear (PWL) voltage
source at the input node. The noise data sequence is loaded from a file as shown in
Figure 4.26b. In this case, the noise data sequence is generated using the MATLAB code
shown in Figure 4.27, where the standard deviation of the noise source is computed as

vni = randn

(√
fs

Pni

2Bw

)
(4.11)

where fs is the sampling frequency of the modulator, Bw is the signal bandwidth, and
Pni (power_IBN in Figure 4.27) is the IBN due to the noise source—derived from the
behavioral simulation data provided by SIMSIDES. Note that in this example, a Gaussian
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Estimation of noise components from electrical data

White-noise sequence generation

1/f noise sequence generation

Figure 4.24 MATLAB code used for generating colored noise data sequence extracted from
HSPICE .NOISE simulation.

noise is generated using the randn function provided by MATLAB. Several cases of IBN
are considered, which correspond to a reconfigurable ��M for multistandard applications.
As an illustration, Figure 4.28 shows the output spectrum of a fourth-order cascade 2-2
SC-��M, in which the effect of injecting thermal noise is highlighted. In this example,
macromodels have been considered in all �� building blocks in order to speed up the
simulation, although the method is obviously valid for transistor-level simulations as well.

4.3 Processing ��M Output Results of Electrical Simulations

The ��M output bitstreams obtained by electrical simulations need to be properly pro-
cessed in order to characterize main figures of merit, namely output spectrum, IBN,
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Figure 4.25 Output spectrum generated by the MATLAB routine shown in Figure 4.24.

SNR/SNDR, THD, etc. To this purpose, the following step-by-step procedure can be
followed:6

1. Collect ��M output bitstreams by taking only one sample per clock period during the
clock phase in which the comparator outputs are settled.

2. Save the output data in an adequate file format, so that it can be properly loaded
and post-processed using a signal processing software such as MATLAB. The most
convenient and usual file format is a multiple column text file in which each column
corresponds to an output bitstream of the ��M. In cascade topologies, the bitstreams
of all the modulator stages must be saved.

3. Load the data in MATLAB and compose the digital outputs from the corresponding
bitstreams. For instance, in a ��M with a 3-bit quantizer, the digital output (made up
of three binary outputs) is transformed into its equivalent 0-to-7 code and the associated
analog level is scaled by the full-scale reference voltage.

4. If the ��M is a cascade topology, the different stage outputs need to be processed
by the DCL in order to compose the overall modulator output. Thus, if the DCL is
not implemented by hardware, this process can be easily implemented by properly
modeling the DCL block diagram in SIMULINK.

5. Compute the different figures of merit (FFT, IBN, SNR/SNDR, THD, etc.) using the
corresponding routines, for instance, using MATLAB signal processing toolbox or
SIMSIDES post-processing facilities.

6 The procedure described in this section can be applied to the experimental output results measured in the
laboratory, discussed later in this chapter.
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(a)

(b)

Figure 4.26 Test-bench example to inject noise in transient simulations of ��Ms using Cadence-
Spectre simulator: (a) schematic in the Virtuoso editor environment and (b) object properties
windows highlighting how to load the noise data sequence file.

Figure 4.29 shows a conceptual diagram of the step-by-step procedure formerly
described, considering that the electrical simulations are carried out with Cadence-
Spectre, and the results are processed using SIMSIDES. As an example, let us consider a
fourth-order cascade 2-2 SC-��M with trilevel quantization in both stages. Figure 4.30a
shows the test-bench schematic used in Cadence to simulate the modulator. In this
example, the output of the front-end and the back-end stages of the modulator are,
respectively, named Output1<1:3> and Output2<1:3>, where Outputj<i>

corresponds to the ith output bit of the j th stage quantizer, considering a 1-of-3 digital
code as illustrated in Figure 4.7. Overall, six bitstreams are collected and stored in a text
file. This task is implemented by the blocks named WRITE OUTPUT, which implement
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Noise source parameters
(four different cases are considered)

Noise data generation

Save data to a file

Figure 4.27 MATLAB code used for generating an N-point data sequence derived from
Equation 4.11.
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Figure 4.28 Output spectrum of a fourth-order cascade 2-2 SC-��M. The simulation was carried
out in Cadence-Spectre, considering macromodels for all building blocks and injecting the input-
referred noise source as illustrated in Figure 4.26.
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Figure 4.29 Step-by-step procedure to process electrical simulation outputs.

(a)

(b) (c)

Figure 4.30 Collecting and storing the output bitstreams of a ��M in an electrical simulation:
(a) test-bench schematic in Cadence Design FrameWork, (b) Verilog-A code to capture simulation
output results, and (c) excerpt of the generated output file (text format).
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Figure 4.31 MATLAB routine used for processing ��M outputs from electrical simulations:
(a) MATLAB code and (b) DCL block diagram implemented in SIMULINK.

the Verilog-A code shown in Figure 4.30b. Note that the output data—consisting of the
three bitstreams named Out1, Out2, Out3—are collected and stored in the text file
at a rate of one sample per clock cycle as illustrated in Figure 4.30c. The event at which
the data are collected is governed by a trigger signal, named trigger in this example.
This trigger signal corresponds to the clock phase in which the comparator outputs are
settled, which in this example is clock phase φ2.

Once the simulation output data has been stored in a multicolumn text file, this data
can be loaded and processed using the MATLAB routine shown in Figure 4.31a. Note
that the bitstreams of both stages are scaled from the values of the supply voltage (1.2V)
to 1V and the 1-of-3 codification is transformed into a single-bit output format. Both
output bitstreams are processed by a DCL implemented in SIMULINK as shown in
Figure 4.31b. Once this DCL diagram is simulated, the overall modulator output is saved
into the MATLAB workspace and can be processed using SIMSIDES post-processing
facilities. As an illustration, the output spectrum shown in Figure 4.28 was obtained
using the procedure and routines described in this section.

4.4 Design Considerations and Simulation Test Benches of ��M
Basic Building Blocks

Once the modulator has been verified using macromodels and the performance has been
evaluated considering main nonideal circuit and physical effects (including circuit noise),
the next step is the electrical transistor-level design of ��M building blocks and circuit
elements. In this book, we will distinguish between two different categories of ��M
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Figure 4.32 Switch symbol and its equivalent CMOS circuit.

building blocks or subcircuits. The first category, referred to as basic building blocks,
includes the loop filter (essentially based on integrators and resonators) and the embedded
quantizer, made up of an ADC (usually a flash ADC made of a bank of comparators) and
a DAC. The second category includes a number of so-called auxiliary building blocks
which are also needed to implement a ��M IC. Among others, the most important
auxiliary blocks are the clock-phase generator, the master bias generator, the reference
voltage generator, and the digital circuits required for buffering and signal processing.

This section deals with the design of basic ��M building blocks, focusing on their
essential circuit elements, namely switches, comparators, OTAs, and DACs. The main
design considerations concerning these circuits are described together with practical sim-
ulation test benches frequently used for characterizing their main electrical performance
metrics, which have been derived from system-level behavioral simulations.

4.4.1 Design Considerations of CMOS Switches

Practically, all switches used in SC-��Ms are of CMOS type, that is, based on a pMOS
and an nMOS transistor connected in parallel, as illustrated in Figure 4.32.7 As stated in
Chapters 2 and 3, the most important design specification of CMOS switches is the switch
on-resistance Ron. The value of Ron is mainly constricted by dynamic considerations that
affect the integrator transient response and consequently the effective resolution of the
modulator [22].

Let us consider that the CMOS switch of Figure 4.32 is switched on, that is, φ = VDD
and φ̄ = VSS. Assuming that the nMOS and pMOS transistors operate in the ohmic region,
their on-resistances can be approximated by Equation 2.47, and the overall CMOS switch
on-resistance is the result of the parallel connection of resistors RonN and RonP.

Trade-Off Between Ron and the CMOS Switch Drain/Source Parasitic
Capacitances

As discussed in Section 2.7.2, the value of Ron can be reduced by increasing the aspect
ratio (W/L) of both transistors in the CMOS switch. However, this increases the transis-
tors area, and consequently their associated drain/source parasitic capacitances, with the

7 Some subcircuits, such as some types of SC common-mode feedback (CMFB) circuits or the latches used in
some comparators, may use either nMOS or pMOS switches. However, the vast majority of switches in SC-��Ms
are implemented as CMOS transmission gates.
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subsequent penalty in the transient response and integrators dynamics degradation. There-
fore, there is a trade-off between the maximum value of Ron that can be tolerated—which
can be determined by behavioral simulation as shown in Chapter 3—and the drain/source
parasitic capacitances associated with the CMOS switch that are in turn conditioned by the
value of capacitors used in the SC branches. This way, switch transistor sizes can be scaled
down across the modulator chain, using higher sizes in the front-end switches—where
larger capacitors are chosen according to thermal noise considerations—while lower sizes
are tolerated in back-end integrators, where smaller capacitors are normally used and
hence the influence of switch parasitic capacitances is diminished.

Characterizing the Nonlinear Behavior of Ron

According to Equation 2.47, the values of RonN and RonP depend on the switch common-
mode voltage, vCM ≡ (vin + vout)/2, and hence on the drain and source voltages (denoted
as vin and vout in Figure 4.32) of the nMOS and pMOS transistors. As a consequence,
the value of Ron becomes a nonlinear function of the voltage being transmitted, thus
generating harmonic distortion as discussed in Chapters 2 and 3.

In order to evaluate the nonlinear characteristic of Ron in CMOS switches, the circuit
shown in Figure 4.33a can be used. The gate of nMOS transistor is connected to VDD
and the gate of pMOS transistor is connected to VSS so that both transistors are switched
on. A small voltage imbalance, typically in the order of 10–20 mV, is applied across the
CMOS switch to guarantee that both nMOS and pMOS are properly biased and operate
in the linear region. A DC common-mode voltage source is connected to the input node
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Figure 4.33 Characterizing nonlinear switch on-resistance: (a) test-bench circuit, (b) HSPICE
netlist, and (c) Ron versus vin considering a 90-nm CMOS technology with 1.2-V supply voltage.
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of the switch. This voltage is swept in a DC analysis in order to evaluate its impact on
the variation of Ron.

Figure 4.33b shows the SPICE netlist used for simulating the circuit in Figure 4.33a. In
this example, a 10-mV voltage, named vd, is applied across the switch and the common-
mode voltage (vin in Figure 4.33a) is swept using a .DC analysis in SPICE. The value
of Ron can be extracted from each operating point in the .DC analysis by means of a
parameter defined as PAR(1/(lx8(mp)+lx8(mn)) where lx8(mp,n) is an alias
parameter used in HSPICE to represent the DC drain-source conductance of MOS tran-
sistors (MN and MP in Figure 4.33a). Thus, the values of RonN and RonP are extracted
from 1/lx8(mn) and 1/lx8(mp), respectively [16].

Figure 4.33c represents Ron as a function of vin, giving rise to a function similar to that
shown in Figure 2.20b. The curves corresponding to both RonN and RonP are also depicted
to illustrate the separate contribution of each transistor to the overall switch on-resistance.
The maximum value of Ron, denoted as ronmax, and the quiescent value of Ron, denoted
as ronQ, can also be extracted from HSPICE simulations using the .meas command
[16] as detailed in the netlist shown in Figure 4.33b.

The Ron-versus-vin characteristic shown in Figure 4.33c has been obtained for WPKP =
WNKN, which according to Equation 2.47, gives an almost symmetrical function. An
alternative approach consists of increasing WN to equal WP, as illustrated in Figure 2.22.
For the sake of completeness a similar figure is depicted in Figure 4.34, considering a
90-nm CMOS technology with a 1.2-V supply voltage. It can be noted how as WN
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Figure 4.34 Ron versus vin for different values of WN, considering a 90-nm CMOS technology
with 1.2-V supply voltage (LN,P = 80 nm).
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increases, the nonlinearity of the switch on-resistance increases, although its average
value decreases. Hence, as discussed in Section 2.7.2, if the sizing of the nMOS and
pMOS transistors in a CMOS switch compensates the difference in their transconductance
parameters, the switch on-resistance nonlinearity is reduced, but the average on-resistance
is larger than using the same sizes, that is, WN = WP. In the latter case, the area, and
consequently the values of parasitic drain/source capacitances, increases as well although
the overall effect of the finite switch on-resistance on the settling performance decreases
[23]. Therefore, there is a design trade-off involving the switch on-resistance nonlinearity
and its average value, which at the modulator level translates in the well-known analog
design trade-off between speed (limited by the incomplete settling) and linearity (limited
by nonlinear switch on-resistance) [22]. Nevertheless, in the majority of state-of-the-
art SC-��Ms, CMOS switches are designed to keep a low enough average value of
Ron, while keeping a symmetrical Ron-versus-vin characteristic similar to that shown in
Figure 4.33c.

Influence of Technology Downscaling

According to Equation 2.47, the reduction of the supply voltage caused by CMOS tech-
nology downscaling causes an increase of Ron. However, this effect can be compensated
by the lower channel lengths (LN,P) used in smaller technologies. This is illustrated in
Figure 4.35, where Ron is represented versus WP for WPKP = WNKN, considering different
CMOS processes from 250 to 90 nm. Note that, generally speaking, the design of switches
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Figure 4.35 Illustrating the effect of technology downscaling on Ron.
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benefits from technology downscaling as lower values of Ron can be obtained for the same
(or even smaller) switch sizing, with the subsequent advantages in terms of silicon area
and robustness against parasitic capacitances. It can be noticed how migrating from 180
to 130 nm has no effect on Ron because the reduction in MOS transistor sizes is compen-
sated by the voltage supply downscaling. However, comparing 130 nm with 90 nm, both
using 1.2-V supply voltage, the downscaling process becomes beneficial.

Evaluating Harmonic Distortion

Figure 4.36a shows the equivalent circuit that can be used for the evaluation of the
harmonic distortion caused by the nonlinear sampling process because of the finite switch
on-resistance. This test-bench circuit—which contains essentially the equivalent circuit
shown in Figure 2.22—corresponds to the fully-differential implementation of the input
SC branch in a typical front-end integrator used in SC-��Ms—conceptually illustrated
in Figure 4.36a. As discussed in Section 2.7.2, as switch S1p,n is directly connected to
the input node, its nonlinear on-resistance may vary a lot during the sampling period,
thus generating considerable harmonic distortion. In contrast, switch S2p,n has one of
its terminals connected to a fixed voltage—the analog common-mode voltage—so that
the voltage across this switch remains approximately constant over clock periods. As
illustrated in Figure 4.36a, the voltage variations at the input node of S2 are considerably
lower than that in S1. As a consequence, the effect of S2 can be neglected in practice.
Indeed, the test-bench circuit shown in Figure 4.36b will give essentially the same results
as the circuit in Figure 4.36a in the majority of practical situations.

The corresponding SPICE netlist is shown in Figure 4.36c. A transient analysis is
carried out considering different situations for the input signal, that is, a single tone signal,
a two-tone signal, etc. To this end, a single-ended source is converted to a differential
input signal using voltage-controlled voltage sources, while some subcircuits are used for
representing the switches and sampling branches included in the test bench. A .TRAN
analysis is carried out with a printing time step defined as the sampling period—10 ns
in this example. The stop time is given by N/fs, where N is the number of simulation
clock cycles (4096 in this example) and fs is the sampling frequency (100 MHz in this
example).

As stated above, harmonic distortion is mainly caused by the switches that are directly
connected to the input (S1p,n) given that the voltages at the input/output nodes of the
remaining ones remain approximately constant over clock periods, and consequently Ron
is approximately constant during the sampling phase time. The same reasoning applies to
those switches that are in any of the following situations:

• Switches that are connected to nodes where the voltage keeps constant over the sampling
period.

• Switches that are connected to the output of an SC circuit. For instance all switches
of the back-end SC integrators, that is, all integrators except the front-end one. In all
these switches, the voltages in their terminals remain constant over clock periods.

• Sampling switches that are connected to the input node of SC-��Ms whenever the
ratio between the input signal frequency and the sampling frequency is small, typically
less than one-tenth.
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Figure 4.36 Characterizing harmonic distortion caused by nonlinear sampling: (a) test-bench
equivalent circuit, (b) practical (simplified) version of the test-bench circuit, and (c) HSPICE netlist.
(A test-bench circuit with φ = VDD and φ̄ = VSS can be used as well.)

The latter situation is illustrated in Figure 4.37, where a sinewave input signal with
different values of the input frequency fin is represented within the sampling time period,
from 0 to Ts/2, with Ts = 1/fs and fs = 100 MHz in this example. Note that as the
ratio between fin and fs increases, there are larger variations of vin over the sampling
period, which translates into a higher variation of Ron, thus increasing the harmonic
distortion.
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Figure 4.37 Impact of increasing the input signal frequency on the variation of Ron over the
sampling period. A fully-differential sinewave input signal of frequency fin is considered with
fs = 100 MHz. This figure plots both positive and negative single-ended inputs.

The analysis of the harmonic distortion caused by the nonlinear sampling process using
the Volterra series method [24, 25] demonstrates that the third-order harmonic distortion
caused by this dynamic nonlinearity is approximately given by [26]

HD3 � πfinCSRon

2(VON − VT)2
A2

in (4.12)

where Ain is the input signal amplitude, VON denotes the switch-on voltage (either VDD
or |VSS|), and VT is the maximum (worst-case) value of VTN and |VTP|.

The expression given in Equation 4.12 is consistent with the results highlighted in
Figure 4.37, showing a direct dependency of HD3 on fin. This is illustrated in Figure 4.38,
where several output spectra of the circuit in Figure 4.36b are depicted for different values
of fin, with Ain = VDD/2. These output spectra have been processed with SIMSIDES based
on the use of a Kaiser FFT window.

In practical situations, fin is chosen to be fin = Bw/3, with Bw being the signal band-
width. This way, the third-order harmonic components fall into the signal bandwidth.
This is not the case of BP-��Ms where the notch frequency (i.e., the center signal fre-
quency) is typically placed at fs/4 as stated in Chapter 1. In this case, other distortion
metrics, such us the third-order intermodulation distortion IM3 is used. Thus, in this case
a two-tone input signal is used in the test-bench circuit of Figure 4.36b. As an illustra-
tion, Figure 4.39 shows the output spectrum of Figure 4.36b considering two tones with
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Figure 4.38 Illustrating the impact of increasing the input signal frequency on the harmonic
distortion caused by nonlinear sampling process. Three cases of fin are considered: fin = fs/64,
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amplitude VDD/(2
√

2) located at8 fin1 = 24.5012345 MHz and fin2 = 25.5012345 MHz
with fs = 100 MHz.

4.4.2 Design Considerations of Operational Amplifiers

Voltage amplifiers are basic circuits of SC-��Ms used for building SC integrators and
resonators. They are also used for implementing active-RC integrators in CT-��Ms. As
already discussed in Chapters 2 and 3, the main electrical requirements of amplifiers
can be determined from closed-form expressions and behavioral simulations, and usually
comprise specifications for the DC gain, output swing, dynamic behavior, and input-
referred noise.

Typical Amplifier Topologies

Many different topologies can be considered in order to fulfill the derived amplifier
specifications at the transistor level. Figure 4.40 depicts some of the most representative
amplifier topologies that are widely used in ��M design, namely:

• Telescopic Amplifier (Figure 4.40a). This single-stage topology is capable of provid-
ing a moderate DC gain and an excellent dynamic behavior while being very power
efficient, as it employs a single current branch. However, the topology requires five
stacked transistors, what results in a reduced output swing and complicates its design
(or even prevents its use) in low-voltage �� implementations. Nevertheless, the tele-
scopic amplifier should be considered the best option if high DC gain and high output
swing are not required.

• Folded Cascode Amplifier (Figure 4.40b). This single-stage topology exhibits an output
swing larger than that of the telescopic amplifier—only four transistors are stacked—but
doubles the power consumption because of the two current branches required. It pro-
vides a very good settling behavior, although its first nondominant pole—and thus its
phase margin—is somewhat lower compared to the telescopic amplifier. Folded cas-
code amplifiers are often used if moderate DC gain is required in ��Ms with medium-
and low-voltage supply.

• Folded Cascode Amplifier with Gain Boosting (Figure 4.40c). This topology provides
larger DC gain than the conventional folded cascode amplifier in Figure 4.40b by means
of increasing its output resistance through the regulation of the cascode transistors. The
auxiliary amplifiers are usually designed as simple as possible for their additional power
consumption not to penalize that of the overall amplifier. Gain-boosting techniques are
often employed in single-stage amplifiers, although especial attention must be paid so

8 The input sinewave frequency fin should be located precisely in an FFT bin in order to avoid signal power to
spread to adjacent bins [27]. To this end, the number of periods Np of the input signal within the simulated time
(N/fs, where N stands for the number of points in the FFT and fs for the sampling frequency) must be an integer.
To meet this constraint, the value of the input frequency can thus be adjusted according to

fin ← Np
fs

N
, where Np = N
fin

fs
� (4.13)
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Figure 4.40 Amplifier topologies commonly employed in �� modulators: (a) telescopic amplifier,
(b) folded cascode amplifier, (c) folded cascode amplifier with gain boosting, and (d) two-stage
amplifier with Miller compensation.
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that the inner feedback loop does not degrade the amplifier frequency response, or even
make it unstable in closed-loop form.

• Two-Stage Amplifier with Miller Compensation (Figure 4.40d). Two-stage amplifiers are
capable of providing a high DC gain as well as a large output swing, as the voltage
gain is obtained with two amplification stages rather than cascoding. However, their
settling behavior becomes more complex than that of single-stage amplifiers—because
of the additional poles and zeros that the internal compensation introduces—and they
usually result in higher power consumption.

Common-Mode Feedback Networks

Single-ended implementations of ��Ms are only rarely seen and the vast majority
of reported ��Ms—similar to most analog circuits—employ fully-differential circuits
because of their reduced sensitivity to even order harmonics and their better power sup-
ply rejection ratio. In the case of SC-��Ms, the differential implementation also helps to
reduce the power consumption, as, for the same influence of the kT/C noise, the sampling
capacitors can be halved compared to the single-ended case thanks to the doubled input
signal range. Also, the clock feedthrough and charge injection of the switches cancel to
a common-mode signal.

These reasons lead to the use of fully-differential amplifier topologies—as those pre-
viously depicted in Figure 4.40—which thus require an additional circuit to set the
common-mode component of the output voltage to the appropriate level, that is, a CMFB
network. These nets operate by means of sensing the common-mode level of the output
voltages, comparing it with the desired common-mode level VCM, and adapting the bias
conditions of the amplifier through negative feedback so that (vout+ + vout+)/2 ≈ VCM.
These tasks can be done either continuously or in a discrete-time manner, leading to CT
or SC CMFB nets, respectively.

For the sake of illustration, Figure 4.41 shows an alternative version of the folded
cascode amplifier in Figure 4.40b using a pMOS differential input pair, together with

(a) (b)

vin−vin+
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vbias vcmfb
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Figure 4.41 Folded cascode amplifier: (a) core circuit and (b) bias circuit.
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Figure 4.42 Alternative implementations of the common-mode feedback: (a) SC circuit, (b) CT
circuit, and (c) ideal circuit for simulation purposes.

its bias circuit. Figure 4.42a and b, respectively, depict the DT or CT alternatives for
implementing the corresponding CMFB net. Note from the SC CMFB net in Figure 4.42a
that the common-mode voltage of amplifier nodes vout+ and vout− is sensed and compared
with VCM through capacitors that switch according to the nonoverlapping clock phases φ1
and φ2 of the SC-��M. In the case of CT CMFB nets, as shown in Figure 4.42b, the
output common-mode voltage is sensed through resistors and compared with VCM using
a differential pair.

SC CMFB nets are often preferred in SC-��Ms to CT counterparts, as their design
is straightforward, they lead to very small area overhead, and have no static power con-
sumption. Conversely, although designing a CT CMFB net is usually not difficult, it leads
to additional power consumption and involves a static inner feedback loop with sufficient
gain that affects the dynamic response of the overall amplifier.

For the sake of completeness, Figure 4.42c shows an ideal CMFB net that can be
employed together with the amplifier in Figure 4.41 for simulation purposes. Note that
operation principle of the CMFB net is just macromodeled using voltage-controlled
sources.

Characterization of the Amplifier in AC

Figure 4.43 shows the HSPICE netlist of the folded cascode amplifier in Figure 4.41.
The included transistor-level sizing corresponds to an amplifier designed for an SC-��M
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Figure 4.43 HSPICE netlist for the AC characterization of the folded cascode amplifier in
Figure 4.41.
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Figure 4.44 Amplifier simulation results obtained from an AC analysis in HSPICE: (a) test-bench
circuit, (b) open-loop amplifier frequency response, and (c) input-referred noise PSD.

implemented in a 0.13-μm CMOS process with 3.3-V supply [28]. The netlist includes
the simulation test bench depicted in Figure 4.44a for the electrical characterization of
the amplifier performance in an open-loop AC analysis, namely:

1. The amplifier frequency response, from which the following features can be directly
determined:
• DC gain (denoted as Av in the measurements section at the end of the netlist)
• Three decibel loss frequency (denoted as f3dB)
• Gain-bandwidth product (denoted as GB)
• Unity-gain bandwidth (denoted as UGBW)
• Phase margin (denoted as PM)

2. The PSD of the input-referred amplifier noise, from which the following features can
be extracted:
• 1/f noise component
• Thermal noise component
• Noise corner frequency

For that purpose an AC differential input signal is applied to the amplifier and its differ-
ential output voltage (vout+ − vout−) is computed. The test bench includes an ideal CMFB
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net as that shown in Figure 4.42c, as well as loading capacitors CL at the amplifier output
nodes. The value of CL (1.4 pF in the netlist in Figure 4.43) corresponds to an estimation
of the equivalent amplifier load during the integration phase—Ceq,φ2

in Equation 2.16.
Figure 4.44b shows the simulated frequency response of the amplifier gain, in which

Av, f3 dB, and UGBW are identified. Their measured values are Av = 2100 = 66.4 dB,
f3 dB = 81.5 kHz, and UGBW = 170 MHz. The amplifier GB can be obtained from the
Avf3 dB product and equals 171 MHz, that is, GB ≈ UGBW, which is characteristic of
a single-stage amplifier with a clearly dominant pole and results in a large phase margin
(PM = 82.6

◦
in this case).

Figure 4.44c shows the simulated PSD of the input-referred amplifier noise, in which
the flicker and white components can be clearly identified, as well as the corner frequency
(around 600 kHz in this case). Note that, as discussed in Section 4.2, the obtained PSD
curve can also be used for generating a colored noise data sequence that captures the
amplifier noise frequency response and injecting it in transient electrical simulations of
the ��M.

Characterization of the Amplifier in DC

Figure 4.45a illustrates a simulation test bench that allows to obtain the amplifier I–V
transfer characteristic and easily extract the amplifier transconductance gm and maximum
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Figure 4.46 Amplifier simulation results obtained from a DC analysis in HSPICE: (a) test-bench
circuit, (b) open-loop voltage transfer characteristic, and (c) amplifier gain versus output voltage.

output current Io. For that purpose a DC differential signal ranging from −2(VDD − VSS)

to +2(VDD − VSS) is applied at the amplifier input, while its output nodes are fixed to the
common-mode level through voltage sources whose current is measured.

Figure 4.45b shows the simulated differential output current (iout = iop − ion) of the
folded cascode amplifier in Figure 4.43 versus the differential input voltage vin. From it
the maximum amplifier output current can be measured (±Io = ±0.49 mA in this case).

The amplifier transconductance DC characteristic can be easily obtained from the slope
of the I–V curve in the Figure 4.45b by simply computing diout/dvin. The resulting curve
is depicted in Figure 4.45c, from which the amplifier transconductance at the quiescent
point gm can be derived (gm = 1.54 mA V−1 in this example).9

Characterization of the Amplifier Gain Nonlinearity

Figure 4.46a illustrates a different DC simulation test bench for extracting in this case
the amplifier voltage transfer characteristic. From it the amplifier output swing OS and

9 Note that the measured values for gm and GB, and the loading capacitor CL, can be combined to provide
an estimation of the amplifier output parasitic capacitor Co. Given that GB = gm/(CL + Co) in a single-stage
amplifier, Co = 0.3 pF for the folded cascode amplifier under consideration.
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amplifier DC gain nonlinearity can be easily derived. For that purpose a DC differential
signal ranging from −2(VDD − VSS) to +2(VDD − VSS) is again applied at the amplifier
input, but with no loading conditions at its output nodes.

Figure 4.46b shows the simulated differential output voltage (vout = vout+ − vout−) ver-
sus the differential input voltage vin for the folded cascode amplifier in Figure 4.43.

The dependency of the amplifier gain on the output voltage level can be easily obtained
from the data contained in the Figure 4.46b, just by computing dvout/dvin from the curve
and depicting the results against vout (instead of vin). Figure 4.46c shows the resulting
gain curve for the folded cascode amplifier in the example, from which the DC gain at
the quiescent point Av can also be derived (Av = 2100, in accordance to low-frequency
AC results in Figure 4.44b).

Finally, note that the amplifier voltage characteristic in Figure 4.46b can be obtained
from a relatively coarse DC sweep of the input voltage, whereas a very fine sweep is
required to accurately obtain the amplifier gain curve in Figure 4.46c. For the sake of
illustration, the DC input voltage was varied from −3.3 to +3.3 V in 10-mV steps to
obtain the graphical representation in Figure 4.46b, whereas the DC simulation was run
again with steps of only 50 μV (but only from −0.3 to +0.3 V) to have enough granularity
in the vout axis in the results shown in Figure 4.46c.

4.4.3 Design Considerations of Transconductors

As already stated in this book, transconductors are essential building blocks of CT-��Ms.
They are used for building Gm-C integrators and also to implement ��M loop-filter
coefficients. As an illustration, Figure 4.47 shows two different common examples of
CT-��M implementations. The first one, shown in Figure 4.47a, uses a front-end active-
RC integrator, whereas the rest of loop-filter integrators are implemented using Gm-C
topologies. This approach is normally chosen because of the better linearity performance
achieved by active-RC integrators as compared with Gm-C integrators. If the linearity
specification is not very restrictive, purely Gm-C implementations similar to that shown
in Figure 4.47b are usually preferred because of their potential faster operation. Note that
in both examples depicted in Figure 4.47, loop-filter coefficients are implemented using
transconductors.

The main electrical characteristics affecting the performance of transconductors used in
��Ms are the following: input/output swing, transconductance value and tuning range,
finite DC gain, finite GB, mismatch error, and nonlinearity (usually characterized by
the IIP3 parameter). The limit values of these design specifications are derived from
behavioral system-level simulations that are further fine-tuned using macromodel electri-
cal simulations as described in Section 4.1. Once these specifications have been clearly
identified, a proper circuit topology is chosen and designed at the transistor level in order
to meet them.

Obviously, there are plenty of different transconductor circuits that can be used for
implementing the loop filter of CT-��Ms. The detailed explanation of all of them is
beyond the scope of this book. Instead, the following sections focus on two circuit
examples. One of them is suited for the implementation of front-end, Gm-C integra-
tors, while the other one is more appropriate to build Gm-C integrators embedded in the
loop filter.
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Figure 4.47 Illustrating the use of transconductors in a third-order, single-loop CT-��M, con-
sidering: (a) an active-RC front-end integrator and (b) a Gm-C front-end integrator.

Example of Front-End Transconductor

One of the main limiting factors in open-loop Gm-C integrators is their poor linearity.
Indeed, this is especially critical at the input node of ��Ms because harmonic distortion
caused by the front-end V/I transconductor is directly translated to the digital domain
without any attenuation. Thus, special emphasis should be put to design the front-end
transconductor with high enough linearity, because it can severely degrade the perfor-
mance of the modulator.

Figure 4.48 shows an example of front-end transconductor [29]. The circuit combines
gain boosting techniques with resistive source degeneration in order to increase the linear-
ity of the transconductance. Note that in this example, nMOS transistors are used in the
input differential pair because a triple-well option is available in the technology where
the transconductor is going to be integrated. This way, the MOS body effect can be
avoided by simply connecting the source terminal to the substrate terminal. Otherwise, if
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the triple-well option is not available, pMOS transistors should be used for the differential
input pair.

As an example, let us consider that the circuit is placed at the front-end of a cascade
3-2 CT-��M with a front-end stage similar to that shown in Figure 4.47b, and that
this modulator is intended to digitize 20-MHz signals with 12-bit effective resolution.
According to behavioral simulations carried out in SIMSIDES, the following specifications
are obtained for the front-end transconductor:

• Finite DC gain: >70 dB
• Differential input/output swing: 0.3 V
• Third-order nonlinearity: > −86 dB.

In addition to the above specifications, input-referred thermal noise must be kept low
enough not to degrade the effective resolution (12 bit) required by the modulator. More-
over, according to the synthesis of the ��M loop-filter coefficients, in this example
the nominal input V/I transconductance was chosen to be 850 μA and the integration
capacitance is 3.65 pF.

In order to design the circuit in Figure 4.48 to cope with the above specifications,
basic OTA design equations for the nominal transconductance, finite DC gain, SR, and
GB are usually derived by hand [30] and used as initial point for the electrical design.
Transistors are biased and sized in the saturation region using these by-hand equations
and considering the voltage limits specified by the input/output swing. This initial design
is fine tuned by electrical simulation in order to satisfy the required specifications with
minimum power consumption. In addition, as in other essential ��M building blocks,
the circuit must be simulated considering the effect of technology corners and mismatch
deviations. The circuit in Figure 4.48 was designed in a 0.13-μm CMOS technology to
cope with the aforementioned specifications, achieving a DC gain of 73.8 dB, a maximum
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differential input/output swing of 0.3 V and HD3 = −89 dB, considering a single 1.2-V
supply voltage [29].

Example of Loop-Filter Transconductor

Figure 4.49 shows an example of a transconductor (with its corresponding CMFB circuit)
that can be used for building the loop-filter coefficients of CT-��Ms [29]. High-speed
operation is achieved by using only feed-forward paths. These paths introduce a high
frequency zero that extends the frequency range. The circuit uses a quadratic-term can-
cellation technique in order to improve the linearity of the transconductance. The basic
idea behind this technique is to include an additional tail current source having its current
in a quadratic dependence on the input signal, as conceptually illustrated in Figure 4.49.
It can be shown that the quadratic term of the drain current of the differential-pair tran-
sistors can be cancellated if k2 = k/k2

g , where kg is a gain factor that takes into account
any signal scaling that may be applied to the input signal, and k and k2 stand for the
large-signal transconductances of the input differential-pair transistor (M1) and the extra
MOS transistor added (M2), respectively.



234 CMOS Sigma-Delta Converters

A very critical design consideration that must be taken into account in the design of
CT-��M loop-filter circuit elements is their tunability. Thus, transconductors must be
designed so that they can be tuned in order to keep the loop-filter time constants (C/gm)
unchanged over technology parameter variations. To this purpose, a circuit tuning strategy
must be incorporated in the loop-filter transconductors in order to make the design of CT-
��Ms feasible and robust against circuit element tolerances. In the example shown in
Figure 4.49, the transconductance can be tuned through the tail bias current Itune. Note
that, for voltage headroom reasons, this current source is connected between the positive
supply voltage and the common source node. Thus, a variation of Itune—through bias
voltages named Ptune(1,2)—changes the value of the nominal transconductance, without
significantly affecting the linearity of the transconductor.

Note that for the tuning to be effective, each transconductance of the ��M is usu-
ally implemented as the parallel connection of unit transconductors and a number of
Monte Carlo simulations are required in order to guarantee that the performance of
the transconductors—particularly the linearity—is not affected by the mismatch. In this
example, a unit transconductance of 25 μA V−1 was used, while the values of Itune ranged
from 5 μA to 25 μA.

As stated in the previous section, the linearity and gain specifications are not so demand-
ing as in this case of front-end integrators. For instance, considering the same modulator
specifications described in the previous section, the electrical specifications of the loop-
filter transconductors will vary depending on their position in the modulator chain. The
most restrictive specifications are the following:

• Finite DC gain: >50 dB
• Differential input/output swing: 0.3 V
• Third-order nonlinearity: > −56 dB.

As an illustration, Figure 4.50 shows some typical characteristics obtained by electri-
cal simulation of transconductors using the test-bench schematic shown in Figure 4.51.
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Figure 4.50 Illustrating the electrical performance of ��M loop-filter transconductors: (a) output
current versus input voltage for different values of the tuning current Itune and (b) transconductance
versus input voltage. Itune ranges from 5 μA to 23 μA.
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Figure 4.51 Test-bench schematic used for characterizing the ��M loop-filter transconductors.
Note that this test bench can be used for DC, AC, and transient analysis. Alternatively, a load circuit
can be connected at the output of the transconductor in order to emulate a circuit environment closer
to the actual situation of loop-filter transconductors embedded in a CT-��M.

Figure 4.50a shows the output current as a function of the input current for different
values of Itune ranging from 5 μA to 23 μA in this example. The linearity of the transcon-
ductance can be calculated by computing the derivative of this I–V characteristic. This
is represented in Figure 4.50b. Following this procedure, the maximum transconductance
variation for each of the values of Itune can be calculated. In this example, a deviation
below 2% is obtained in all cases within the specified input voltage range (0.3 V).

Figure 4.52 shows the frequency response of a Gm-C integrator made up of a unit
transconductor (with a nominal transconductance of 25 μA V−1) and the unit integration
capacitor (3.65 pF in this example). Note that the phase error at unity gain of the integrator
is below 1

◦
, while the high-frequency poles are placed at a much higher frequency than

the GB of the integrator. This is due to the fact that the transconductor in Figure 4.49 is
essentially composed of feed-forward paths, which facilitates a higher speed of operation.
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Figure 4.52 Phase and gain response of the loop-filter (unit) transconductor in Figure 4.49.



236 CMOS Sigma-Delta Converters

4.4.4 Design Considerations of Comparators

Comparators are essential building blocks of �� ADCs. These circuits are used for build-
ing the quantizer embedded in the modulator. Because of their position in the modulator
loop, the comparator specifications are not very demanding in most practical cases, as
circuit errors are attenuated by NTF in the same way as the quantization noise. However,
the design of main performance limitations (i.e., offset, hysteresis, and comparison time)
must be carefully taken into account in order to optimize the performance of ��Ms.
Typical static specifications require an offset and a hysteresis in the order of tens of mil-
livolts, and a maximum comparison time of 1/4 of the clock period, that is, around one
half of the time interval corresponding to the strobe phase.10 These specifications can be
achieved by using the so-called regenerative latch topologies described in the following
subsection.

Regenerative Latch-Based Comparators

The majority of comparator circuits used in ��Ms are based on a DT positive-feedback
regenerative latch that is built by cross-coupling a pair of inverters as conceptually
depicted in Figure 4.53a [31]. The inverters amplify the differential input voltage vi+ − vi−
to obtain the saturated differential output vo+ − vo−, according to the characteristics drawn
in Figure 4.53b. During the so-called reset phase (φr high), the differential input is
stored in the input sampling capacitors C and the circuit is driven to the central state
Q0 (Figure 4.53b). During the comparison or strobe phase (φa high), the differential input
is retrieved, forcing an initial state either on the right (vi+ > vi−) or on the left (vi+ < vi−)

of Q0. From this initial state, the action of positive feedback forces the output to evolve
either toward QH (for vi+ > vi−) or toward QL (for vi+ < vi−). In both cases, the dynamic
evolution around the central point is realized at a high speed due to the action of positive
feedback.

(a) (b)
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vi+

φa

φa vo−

vo+

QL

QH

Q0 vi+ − vi−
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Figure 4.53 Positive-feedback regenerative latch: (a) conceptual schematic and (b) illustration of
dynamic trajectories in the input–output characteristic.

10 Strobe phase is the clock phase in which the comparator is active, that is, it is comparing the input signals. This
phase is sometimes referred to as amplification phase or simply comparison phase.
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Figure 4.54 Examples of CMOS latches frequently used in ��Ms: (a) [32], (b) [33], (c) [34],
and (d) [35].

Figure 4.54 shows some regenerative latch CMOS circuits [32–35] that are commonly
used for implementing comparators in state-of-the-art ��Ms, all of them based on the
conceptual model shown in Figure 4.53a. In practice, the static resolution of all these
circuits is limited by dissymmetries between the positive and the negative branches of the
fully-differential circuit, as well as other second-order circuit phenomena such as the kick-
back noise on the integrator connected to the comparator. Thus, a preamplifier is usually
placed at the input of the regenerative latch in order to improve the static resolution of
these kinds of comparators [36].

Figure 4.55 shows a typical example of a CMOS regenerative latch comparator with
preamplifier.11 It consists of a pMOS differential input pair (M1,2), a CMOS regenerative

11 Some comparators used in SC-��Ms with feed-forward paths include an SC network at the input of the
preamplifier to merge with SC adders. These SC networks may be used also for improving the preamplifier
performance and for implementing reconfiguration of the number of bits of the embedded quantizer [9].
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Figure 4.55 Example of a typical CMOS regenerative latch comparator with preamplifier.

latch circuit, and a set-reset (SR) flip-flop to store the voltage provided by the latch.
The latch circuit is composed of an nMOS flip-flop (M3,4) with a pair of nMOS switches
(M9,10) for strobing and an nMOS switch (M12) for resetting, and a pMOS flip-flop (M5,6)
with a pair of pMOS precharge switches (M7,8).

The operation of the circuit in Figure 4.55 is as follows: During clock phase φ̄a (reset
phase), the latch is in reset mode and the input differential pair injects a current pro-
portional to the differential input voltage (vi+ − vi−), which generates an initial voltage
imbalance across the on-resistance of switch M12. The voltage difference across M12 is
amplified when the latch becomes enabled during the comparison (amplification) phase
φa, achieving a very fast comparison time due to the action of positive feedback.

Design Guidelines

The design of the comparators used in ��Ms is carried out according to the high-level
specifications extracted from behavioral simulations as described in Chapter 3. The main
design parameters included in the behavioral models, which degrade the performance of
��Ms, are essentially two static parameters, namely, offset and hysteresis. In addition,
the transient response of the comparator must be fast enough to complete their operation
within the comparison clock phase. Therefore, the analog sections12 of the comparator (i.e.,
the preamplifier and the latch) must be carefully sized accordingly to these specifications.

The preamplifier aims to fulfill several goals, namely, to obtain a high DC gain in
order to reduce the comparator input-referred offset, a low kick-back noise, and high
speed, while keeping low parasitic input capacitances. Therefore, the increase of the
preamplifier DC gain should not be done exclusively by increasing the size of the input
differential-pair transistor—in order to increase gm—for a given bias current, because this
would also increase the input parasitic capacitance. This design trade-off can be solved
using a preamplifier schematic with a high output resistance similar to that shown in
Figure 4.56. In this circuit, transistors M4 and M5 are biased in the ohmic region and
hence used as resistors to increase the output resistance of the preamplifier.

Another important design trade-off that takes place in the latch involves the required
mismatch specifications (which have a direct effect on the static resolution) and the

12 The SR flip-flop is a digital circuit that in the majority of cases can be designed using minimum sizes.
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Figure 4.56 Single-stage preamplifier with ohmic-biased transistors (M4 and M5) to increase the
output resistance.

comparator speed. This way, using minimum sizes for the inverter transistors (M3−6
in Figure 4.55) minimizes the MOS parasitic capacitances, thus benefiting the transient
response. However, minimum-sized transistors increase the sensitivity to technology pro-
cess variations.

A minimum length should be used for the switches involved (M7−10 in Figure 4.55)
in order to reduce the switch on-resistance as well as the effect of charge injection. Note
that the input voltage difference is sensed across switch M12, and hence its on-resistance
becomes critical for a correct operation of the comparator. Indeed, the performance of the
latch is very sensitive to the size of M12, that has motivated some designers to use more
robust topologies.

This is the case of the latch shown in Figure 4.54d [35]. The operation of this circuit is
governed by one clock phase, named φa in the figure. Thus, when strobe or amplification
clock signal (φa) triggers to a logic one, switch Sn1 turns on and transistors M1,2 will
process the differential output of the preamplifier. After a short time, one of the input
differential-pair transistors will turn off depending on the sign of the input voltage imbal-
ance, thus creating a differential voltage between nodes X and Y . Meanwhile, M7 and
M8 will turn on and, later, the cross-coupled scheme will start working, leading to a fast
regeneration of the initial voltage imbalance [9].

Although regenerative latch comparators are very fast, the comparison time and the
dynamic resolution must be properly characterized at transistor level. The following
sections give some practical ways to do this task.

Characterization of Offset and Hysteresis Based on the Input-Ramp Method

Comparator offset and hysteresis can be characterized in electrical simulations using the
test-bench circuit shown in Figure 4.57a. A slow ramp-waveform input signal is applied
to the comparator, so that the offset and hysteresis parameters can be extracted from the
output voltage waveform as conceptually depicted in Figure 4.57b. Note that in order
to obtain a more precise value of both performance metrics (offset and hysteresis), the
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Figure 4.57 Characterization of offset and hysteresis based on the input-ramp method: (a) Cadence
Virtuoso test-bench schematic and (b) conceptual output response and computation of offset and
hysteresis parameters.

voltage limits of the input ramp should be approximately of the same order as the specified
offset and hysteresis.

Let us consider an example in which the target specifications for the offset and the
hysteresis are ±10 and ±20 mV, respectively. In order to take into account the impact of
mismatch and technology parameter variations, a large number of simulations considering
all technology corners as well as a Monte Carlo analysis should be carried out. As an
illustration, Figure 4.58 shows some typical output waveforms obtained in HSPICE for
the characterization of the offset and hysteresis.

The method based on the input ramp does not allow for memory or hysteresis issues in
the comparator operation because the voltage value of the input signal is always increasing
(or decreasing) in amplitude, which is not common in practice. A more realistic test bench
consists of using a sinusoidal or triangular input signal. This way, the input signal is forced
to take alternating signs in order to allow for memory effects [9].

Another disadvantage of the ramp-waveform, test-bench method is that a slower ramp
is needed to obtain the required accuracy in the characterization of the offset and the
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Figure 4.58 Illustrating the electrical characterization of hysteresis in regenerative latch compara-
tors. Monte Carlo simulation in HSPICE.

hysteresis. The slower the input ramp is, the longer the transient simulation, which might
lead to long CPU times, as typically 100–200 simulations are needed for an accurate
Monte Carlo simulation.

Characterization of Offset and Hysteresis Based on the Bisectional Method

A more efficient way of characterizing the input offset of the comparator is based on
the so-called bisectional method. In this method, graphically illustrated in Figure 4.59,

f (x)

f(b2)

f(b1)

x

a1 a2 a3 b2 b1

f (a1)

f (a2)

Figure 4.59 Graphical illustration of the bisectional method algorithm.
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a root-finding algorithm works by repeatedly halving an interval and then selecting the
subinterval in which the root exists [37]. Given two points, a and b, such that f (a) and
f (b) have opposite signs, the intermediate value theorem says that f (x) must have at least
one root in the interval [a, b] as long as f (x) is continuous. Thus, the bisection algorithm
is then applied to the subinterval where the sign change occurs until a solution under a
defined tolerance is obtained. It can be shown that the number of iterations required to
reach convergence with a tolerance error ε is n = log2[(b − a)/ε] [37].

Figure 4.60a shows the test bench used in Cadence Virtuoso Schematic editor for the
comparator offset computation. The preamplifier and the regenerative latch are placed
inside a feedback loop, in which the preamplifier input signal is controlled by a block
that implements the bisectional algorithm described earlier. A Verilog-A code [1], shown
in Figure 4.60b, is used for this purpose. The input of this block is the differential output
of the regenerative latch, so the algorithm basically selects the next input voltage based
on the comparator output, following the procedure depicted in Figure 4.59. Note that a
delayed version of the strobe clock signal triggers the Verilog-A block corresponding to
the bisectional algorithm. This time delay must be longer than the response time of the
regenerative latch, but shorter than half of the cycle of the comparator strobe.

Characterizing the Comparison Time

Figure 4.61 illustrates the electrical simulation method that is usually followed to charac-
terize the resolution speed and the comparison time of comparators. An input step of �V

is applied, where �V is the specified static resolution of the comparator (10 mV in this
example). The comparison time, also referred to as resolution time, is defined in this test
bench as the time interval between the time instant in which the strobe phase becomes
low at the end of the comparison phase and the time instant when the output reaches the
corresponding logic level, that is, VDD for a positive input step or VSS otherwise. Monte
Carlo and technology corner variations need to be checked and the worst-case values are
usually taken as the design specification.

4.4.5 Design Considerations of Current-Steering DACs

As already discussed earlier in this book, the DACs used in the feedback path of ��Ms
are mainly implemented using SC and SI or current-steering circuit techniques.13 The
design of SC feedback DACs involves taking into account considerations for the design
of switches and capacitors according to the design criteria previously stated in this
chapter and in Chapter 2. Indeed, the switches and capacitors used for building SC
DACs are embedded in the SC integrators and quantizers (Figure 4.9). Thus, SC DACs
do not require special attention apart from the design issues related to switches already
discussed.

In contrast, CS DACs—mostly used in CT-��Ms—are essential building blocks affect-
ing the performance of the modulator because of several nonideal circuit phenomena
already discussed in Chapters 2 and 3, namely clock jitter error, transient response (and its
effect on the excess loop delay error), and linearity (due to device mismatch of unit current

13 The difference between SI and CS techniques is discussed later.
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tional algorithm method: (a) Cadence Virtuoso Schematic and (b) Verilog-A code for the bisectional
algorithm.
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Figure 4.61 Illustrating the characterization of comparison time in regenerative latch comparators.

sources). Indeed, CS DACs are specifically suited for wideband CT-��Ms because of
their potential benefits in terms of high-speed operation and the convenience to inter-
face with both Gm-C and active-RC CT-��Ms [38]. This is illustrated in Figure 4.62
that shows a conceptual schematic of the input summing node of a CT-��M. Note in
Figure 4.62a that the output current of the feedback CS DAC is naturally14 added with
the output current of the loop-filter Gm-C transconductor. In the case of active-RC imple-
mentations, the current-mode adding operation takes place at the virtual ground input
node of the amplifier as illustrated in Figure 4.62b.
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Figure 4.62 Illustrating the connection of CS DACs at the input summing node of (a) Gm-C
��Ms and (b) active-RC ��Ms.

14 As will be discussed later, the high impedance output node of a Gm-C transconductor may be not suited to inject
the feedback current provided by a CS DAC because of two main reasons. On the one hand, large signal swings
reduce the voltage headroom required to keep the current cell transistors in the saturation region. On the other
hand, the high impedance node causes that small current errors result in large voltage errors on the capacitors.
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Figure 4.63 Conceptual schemes of switched-current DACs: (a) based on binary-weighted current
cells, (b) based on thermometer-coded current cells, (c) single-ended current-steering DAC, and (d)
fully-differential current-steering DAC.

This section pays attention to the main design criteria usually taken into account in the
design of CS DACs—from the circuit-level perspective—focusing on those issues that
must be considered during the electrical (transistor-level) design of ��Ms. Special empha-
sis is put on their main performance metrics of CS DACs, showing how to characterize
these metrics with practical test benches implemented in SPICE-like simulators.

Fundamentals and Basic Concepts of CS DACs

Figure 4.63a and b show two conceptual schemes of a CS DAC [12], where the output
current is obtained by adding a number of switched unit current cells together. The
switches are controlled by the DAC input bits, which are in turn the outputs of the
quantizer embedded in the ��M loop filter. Thus, if a binary code is used, N binary-
weighted scaled current cells are required, as shown in Figure 4.63a. Note that, although
this solution requires the minimum number of elements, they are more sensitive to device
element mismatch, mainly because of the very different values of the cell currents. For
that reason, a thermometer-coded CS DAC similar to that shown in Figure 4.63b is
usually chosen to implement the feedback DACs of CT-��Ms. This approach relaxes
the matching requirements at the price of exponentially increasing the number of unit
elements, that is, the number of current cells and switches.
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Note that the circuit schemes shown in Figure 4.63a and b cannot be implemented in
practice because of to the current glitches appearing when current cells are left open.
For that reason, the scheme shown in Figure 4.63c—commonly referred to as current-
steering—is usually preferred. In this approach, the currents provided by the cells are
steered or redirected either to the DAC output summing node or to a dummy low-
impedance node, by means of complementary switches.

The scheme in Figure 4.63c is particularly useful in fully-differential implementations,
which is one of the most common situations in practice. In this case, conceptually depicted
in Figure 4.63d, unit current cells are steered either to the positive or to the negative output
current, depending on the corresponding input digital code.

Practical Implementation of CS DACs in ��Ms

Figure 4.64a shows an alternative implementation to Figure 4.63d, which provides a fully-
balanced (complementary) differential output current with maximized power efficiency.
As conceptually highlighted in the figure, two different kinds of current cells, p-type and
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Figure 4.65 Illustrating the use of CS DACs with p-type and n-type current cells connected at
different nodes of Gm-C integrators as proposed in [39].

n-type, are used for providing the current sources and sinks needed. The main problem
of this DAC topology is in achieving the required voltage headroom for both types of
current cells.

In order to palliate this limitation, diverse DAC topologies have been proposed to relax
the voltage headroom specification. The most common approach consists of keeping one
of the current cell types fixed and the other switchable. This is conceptually illustrated
in the CS DAC architectures depicted in Figure 4.64b and c. The former, which uses a
fixed n-type current cell and switchable p-type current cells, allows a larger headroom
for the (switchable) p-type current cells. The opposite situation is given in Figure 4.64c.
In both cases, the power efficiency is reduced to 50%. The choice of one of these two
topologies will be conditioned by the voltage headroom requirement for each type of cells
in a given design.

Figure 4.64d shows a CS DAC architecture that keeps a power efficiency of 100%
with relaxed specifications for the voltage headroom of both types of current cells. In
this approach, p-type and n-type current cells are connected to different nodes, which are
strategically chosen to provide the highest headroom voltage for each type of cell. This
approach was successfully proposed and implemented by the authors in [39]. In this case,
illustrated in Figure 4.65, the p-type current cells are connected to the source node of the
n-type cascode transistors of the Gm-C integrator output stage, while the p-type current
cells are connected to the corresponding source terminal of the nMOS cascode transistors,
maximizing thus the headroom for both types of cells. Note also that the source terminal
of the cascode transistors provides a low-impedance node to the CS DAC output, thus
reducing its output swing and making its design more robust [39].

Current Cell Circuits, Error Limitations, and Design Criteria

The operation of CS DACs described above is degraded in practice by the effect of
circuit implementation of switches and current cells. Among others, the main limiting
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factors15 affecting the performance of CS DACs in ��Ms are caused by random errors
because of to device mismatch and systematic errors due to output impedance of the
current cell, thermal gradients, layout edge effects, and incomplete settling error.

Therefore, current cells are designed to satisfy a number of design specifications that
are derived from behavioral simulations. Some of these specifications involve the value of
the output resistance, the transient response, mismatch, output swing, etc. Among others,
there is usually a strong trade-off between the required cell mismatch and the settling
time. Thus, in order to relax the mismatch requirements without penalizing the linearity
of the modulator, linearization techniques—such as DEM or digital calibration—are used
as described in Section 1.6.

Essentially, the following requirements should be taken into consideration for designing
the current cells of CS DACs in CT-��Ms:

• Reduce the mismatch among unit current cells.
• Increase the current cell output impedance, making use of cascode stages.
• Ensure that transistors operate in the saturation region for the specified integrator output

swing. This is easier to achieve when ��M loop-filter integrators are active-RC, as
the signal swing is limited at the virtual ground node of the OTA.

• Reduce the clock feedthrough error, which can be controlled by keeping parasitic
capacitances as low as possible. An additional strategy to reduce this error consists of
minimizing the voltage difference between the switch on-state and the switch off-state.
This technique—often referred to as soft-driving16—reduces also the overshoot currents
due to the clock-signal transitions and allows switches to operate also in the saturation
region, thus acting as cascode transistors for further boosting the current cell output
impedance.

• Reduce the CS DAC noise contribution to the required IBN specification of the modu-
lator. Note that both thermal and flicker noise sources associated with current cells are
summed at the ��M input node, thus constituting an ultimate limiting factor.

In order to cope with the aforementioned design criteria with optimized power consump-
tion, a huge number of different current cell topologies have been proposed in the open
literature for the implementation of CS DACs used in CT-��Ms. The circuit topologies
span from basic cells—such as a single transistor—to simple cascode, regulated cascode,
etc. The detailed description of all the different CS DAC current cell approaches goes
beyond the scope of this book.

CS 4-bit DAC Example

As a case study, let us consider a CS 4-bit DAC based on the circuit topology shown
in Figure 4.64c. It consists of two fixed p-type current sources and 15 (24 − 1) n-
type switchable current cells that are controlled through simple nMOS switches by a

15 Design considerations of switches described in Section 4.4.1 must also be taken into account. In most practical
cases, simple nMOS/pMOS switches satisfy the required specifications of CS DACs.
16 One of the main disadvantages of using soft-driving techniques is that an additional level-shifter circuit is
required to generate the switch control voltages.
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thermometer-coded input data. These data are entered into the DAC through a set of
D-latches driving the switch gates as illustrated in Figure 4.66.

The 4-bit CS DAC was used for implementing the NRZ feedback DAC of a fifth-order
cascade 3-2 Gm-C CT-��M intended to digitize 20-MHz signals with 12-bit effective res-
olution, with a sampling frequency of 240 MHz [29]. These modulator specifications were
mapped onto building-block specifications using SIMSIDES as described in Section 3.6.2.
As a result, the following specifications were defined for the CS DAC:

• Output resistance: > 12 M�

• Settling time: < 0.5 ns
• Mismatch error: < 0.15% LSB.

Among others, there is a strong design trade-off between the required mismatch error
and the settling time error. This trade-off was relaxed in this design example by using
DEM linearization techniques that reduced the mismatch requirement to < 0.6% LSB.
The unit current cell was chosen to be Iu = 48 μA, which leads to 360 μA (i.e., 7.5Iu)
pMOS current sources.

Another important limitation of the CS DAC in this design example was caused by
the headroom voltage required for the pMOS current cells. As the common-mode voltage
of the modulator was set to 0.75 V (forced by a design requirement of the loop-filter
transconductors) and the FS voltage range was 0.3 V, the headroom voltage for the pMOS
and the nMOS current sources resulted in 0.3 and 0.6 V, respectively. In order to satisfy
all these specifications, the gain-boosted pMOS current source similar to that shown in
Figure 4.67a is considered, while regulated cascode topologies, depicted in Figure 4.67b,
can be used for the nMOS current cells. These cells can be designed to satisfy the
aforementioned specifications, while dissipating a reasonable power consumption of 0.49
and 0.1 mW, respectively, for the pMOS and the nMOS cell [29].
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Figure 4.67 Examples of CS DAC current cells: (a) pMOS gain-boosted current cell and (b)
nMOS regulated cascode current cell.

4.5 Auxiliary ��M Building Blocks

As stated earlier in this chapter, in addition to the basic building blocks used for imple-
menting the loop filter and the quantizer of a ��M, there are other subcircuits required
to make an IC operative. This section overviews the most important blocks, showing their
fundamental schematics as well as some practical considerations to take into account in
their design.

4.5.1 Clock-Phase Generators

As any sampled-data system, the operation of ��Ms is governed by a clock signal.
Usually, CT-��Ms require one clock signal and its complementary version. In contrast,
SC-��Ms need to divide the clock period into several time intervals or clock phases that
are generated by a digital circuit, commonly referred to as clock-phase generator.

Phase Generation

Figure 4.68a and b show two well-known digital circuits frequently used for generating
the clock phases needed in SC-��Ms. Essentially, the operation of both circuits is based
on the use of bistable flip-flops to generate several periodic signals from an input signal,
also named master clock. The scheme in Figure 4.68a consists of a feedback loop made up
of two NAND gates, each one connected in series with a cascade of inverters. The number
and sizes of these inverters provide the required clock-phase delays and nonoverlapping
intervals.

Figure 4.68b shows an alternative implementation of the clock-phase generator, which
is also based on the use of flip-flops [22]. In this case, there is no global feedback loop
and the different clock phases are generated by connecting D-type latches in cascade to
provide the required delays and inversions.

In some high-frequency applications that demand a very high-precision, high-speed,
and low-jitter, clock-phase scheme, the master clock signal used in Figure 4.68a and b
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is synthesized by an on-chip phase-locked loop (PLL) and an off-chip well-controlled
crystal oscillator [40, 41], as conceptually depicted in Figure 4.68c.17

Note that both clock drivers in Figure 4.68a and b generate two nonoverlapped clock
phases—φ1,φ2—that control the sampling and integration operations of SC integrators.
Delayed versions of the clock phases—φ1d, φ2d—are also generated in order to attenuate
the error caused by signal-dependent charge injection produced during the turn-off pro-
cess of input switches in SC integrators [43]. Complementary versions of the four clock
phases—that is, φ̄1, φ̄2, φ̄1d, and φ̄2d needed to control CMOS switches and some other
��M subcircuits (such as latch-based comparators)—are also synthesized by properly
combining inverters and digital buffers as illustrated in Figure 4.68a and b.

Phase Buffering

All generated clock-phase signals need to be properly driven by a buffer tree similar
to that conceptually shown in Figure 4.69. This way, the differences in capacitive load

17 Some CT-��Ms using clock signals in the gigahertz range use off-chip ultra-low-jitter signal sources and
180

◦
-hybrid circuits to generate the master clock and its complementary signal [42].
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Figure 4.69 Example of buffer tree used for driving clock phases. The number and dimensions
of inverters depends on the fan-out requirements of each clock phase.

among all phases become equalized. This is very important in practice because, if clock
phases are not properly equalized, the different load capacitances connected at each clock
phase will have a direct influence on the delays (and nonoverlapping intervals) among
the phases, and may thus destroy the clock scheme generated by the circuits in Figure
4.68a and b, and consequently the operation of the SC-��M.

In order to design the clock-phase buffer tree, the parasitic capacitance loading each
clock phase has to be accurately calculated. This piece of information can be extracted
from electrical simulations by summing up the input parasitic capacitances of all sub-
circuits (essentially CMOS switches and digital gates) to which the clock phases are
connected.

Phase Distribution

As clock phases are used in many different parts of SC-��Ms, these signals need to be
routed through the entire chip. To this purpose, a U-shaped bus—conceptually depicted in
Figure 4.70a—is used, where each clock phase is isolated by implementing a Faraday cage
with two ground walls at each side of the routed signals, as illustrated in Figure 4.70b.
Note that each clock phase (φi) is closely routed with its complementary phase (φ̄i). Both
clock phases are surrounded by ground (GND in Figure 4.70b) strips of the same metal
as that used for the clock phases. The whole bus is covered by the same ground above
and below the routed phases with plates implemented at the upper and lower metal layers,
respectively.

Figure 4.70c shows a lumped LCR equivalent circuit that takes into account the circuit
parasitics of the actual transmission line in Figure 4.70b, in which the values of LT, CT,
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Figure 4.70 Clock-phase distribution and routing along a ��M chip: (a) conceptual U-Shape bus
distribution, (b) clock-phase signal isolation using a Faraday cage, and (c) equivalent circuit model
extracted from electromagnetic simulations. In some practical situations, the inverted versions of
clock signals are not globally routed, but locally generated by an inverter. Similarly, clock phases
can be either globally or locally buffered depending on the fan-out requirements in each case [9].

and RT can be extracted using electromagnetic simulations that take into account the
technological data of the different metal layers and dielectrics involved [9]. Note that post-
layout simulations of the circuit in Figure 4.70c, together with the buffer tree described
above, have to be carried out in order to optimize the design of clock-phase generators
in terms of silicon area and power consumption.

4.5.2 Generation of Common-Mode Voltage, Reference Voltage,
and Bias Currents

The following reference and bias voltages are needed for a correct operation of ��Ms:

• Reference voltage, used in the embedded quantizer, that is, the reference ladder of the
flash ADC and the feedback DAC.

• Common-mode voltage, extensively used by all ��M subcircuits.
• Bias currents, required to bias all ��M building blocks.

These reference and bias voltages and currents must have reduced dependence on the
temperature, supply voltage, and technology process parameters in order to design robust
��Ms. To this purpose, dedicated circuits have to be incorporated in ��M ICs in order
to generate the aforementioned DC quantities.

Bandgap Circuit

As in other analog ICs, the majority of ��Ms generate their internal reference voltages
and bias currents from a DC temperature-independent voltage. This voltage is generated
using the well-known bandgap-reference generator circuits, often referred to as bandgap
circuits.
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Figure 4.71 Example of bandgap circuit [44] used in some ��Ms [9].

Figure 4.71 shows an example of bandgap circuit [44] used in ��Ms [9]. The circuit
makes use of lateral bipolar transistors usually available in standard CMOS technologies
to generate a DC voltage given by [44]:

Vbg = VEB1 + UT
• ln n •(1 + R2

R3
) (4.14)

where VEB1 is the forward-biased emitter-base voltage of transistor Q1, UT ≡ kT/q, and
UT

• ln n stands for the difference between the emitter-base voltages of Q1 and Q2.
Considering that ∂VEB

∂T
� −1.5 mV K−1 and ∂UT

∂T
� 0.087 mV K−1, a bandgap voltage

(Vbg) with zero temperature coefficient can be achieved if ln n •(1 + R2/R3) � 17.2. Tak-
ing this condition into account and assuming that VEB1 � 0.8 V in Equation 4.14, a
bandgap voltage of Vbg � 1.25 V can be generated [44].

Reference Voltage Generator

The reference voltage Vref required for the modulator operation can be obtained as a linear
function of the bandgap voltage

Vref = Vr+ − Vr- = αVbg (4.15)

where α is a proportionality factor. For instance, if α = 4/5, then a reference voltage of
Vref = 1 V is obtained. This can be easily implemented18 using a fully-differential amplifier
in inverting configuration, as that shown in Figure 4.72. This way, by simply choosing
R2 = 4/5R1, a reference voltage of Vref = 1 V is obtained. Note that a buffer—that can
be implemented by using a simple (asymmetric) OTA circuit—is used for driving the
bandgap voltage Vbg.

The main design considerations that must be taken into account for the generation of
reference voltages in ��Ms are a fast dynamic response (settling) as well as a low output
impedance between the Vr+ and Vr- lines, so that no dynamic distortion is introduced in

18 In a design prototype, ��M reference voltages can be optionally provided by an off-chip circuit included in a
test PCB as will be discussed later. However, this solution is neither practical nor robust if the ��M is embedded
in a chip together with other circuit components which form a given electronic system.
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Figure 4.72 Example of reference voltage generator circuit [9].

the loop-filter integrators. To this end, the example shown in Figure 4.72 uses an off-chip
capacitor which is connected between Vr+ and Vr-. The value of this capacitor must be
chosen according to the parasitic capacitances connected at these nodes (because of the
bonding pads, bonding wires, lead frame, and package pin), so that the spurious com-
ponents around half the sampling frequency are removed from the differential reference
voltage. In addition, a damping network that is made up of an RC circuit based on MOS
capacitors connected in antiparallel configuration, is used for removing ringing voltages
added to the reference voltages [9].

Master Bias Current Generator

All current sources and sinks required to bias the ��M subcircuits (opamps, comparators,
etc.) need to be generated internally (on-chip) from a master bias current by a single circuit,
commonly referred to as master bias current generator. Figure 4.73 shows an example

Vbg

Ibias

Ib1 Ib2 Ibn

Rb1

Rb2

Rbias

+

−

Off-chip
resistor

Subcircuit 1 Subcircuit 2 Subcircuit n

Figure 4.73 Example of master bias current generator. The resistor used for generating the master
bias current Rbias can alternatively be implemented on-chip using unsalicided poly resistors.
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Figure 4.74 Example of common-mode voltage generator circuit [9].

of master bias current generator where a single master current is generated from the
bandgap voltage and an external (off-chip) resistor. This resistor can be also implemented
on-chip using unsalicided poly resistors. The generated master bias current is mirrored
and properly scaled to bias all amplifiers (used in integrators), the preamplifying stages
of comparators, as well as other auxiliary (analog) ��M building blocks such as the
reference voltage generator and the common-mode voltage generator (described in the
next section).

In some applications, adaptive bias currents are implemented by means of pro-
grammable current mirrors based on the combination of switchable transistors and
unit resistors. This way, the performance of the core amplifiers, and consequently
the ��M, can be adapted to a different set of specifications with optimized power
consumption [45].

Common-Mode Voltage Generator

The common-mode voltage VCM is usually defined as a half of the supply voltage, that is,
VCM = (VDD − VSS)/2. This operation can be easily performed by a resistor divider and
a buffer as illustrated in the example shown in Figure 4.74. This circuit implements the
required ratio of 1/2 in a simple and robust way using two identical resistors and a simple
OTA configured as a buffer. Similar to the case of the reference voltage generators, a large
(off-chip) capacitor may be used in combination with an on-chip damping network in order
to “clean” the generated voltage and keep it constant and stable despite the switching-noise
activity propagated across the substrate.

4.5.3 Additional Digital Logic

Apart from the extra analog circuits formerly described, some ��M ICs require the
incorporation of additional digital circuits in order to carry out some specific tasks. Among
others, the following digital signal processing may be necessary in some applications:

• Output digital buffers driving the modulator outputs in order to drive the load capac-
itance due to either the bonding pads (in stand-alone IC implementations) or the
decimation filter connected at the modulator output.
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• Multibit DAC linearization techniques, for instance, based on DEM algorithms such as
DWA.

• Decoders used in quantizers, such as thermometric-to-binary decoders, frequently used
in embedded flash ADCs.

• Serial-to-parallel registers, sometimes used for managing a large number of digital
control signals, for instance, in reconfigurable ��Ms.

• Digital power-down signals, used for turning off/on some parts of the circuits when
needed in order to optimize the power consumption.

The practical implementation of the aforementioned digital circuits will strongly depend
on the specific purpose and application. The detailed description of the diverse techniques
that can be used is beyond the scope of this book. Instead, the interested reader can find
diverse examples of these logic circuits in a number of state-of-the-art references collected
at the end of Chapter 5.

4.6 Layout Design, Floorplanning, and Practical Issues

As in any other mixed-signal IC, layout implementation is one of the most critical steps
in the design process of ��Ms. The performance of a ��M can be completely destroyed
if the layout is not carefully designed and this will be illustrated later in this section. To
this purpose, a number of design strategies and practical tricks must be followed. Some
of these layout techniques are based on general rules used in the design of analog IC
circuits, while others are specific to the design of ��Ms. This section gives an overview
of the most important and critical recommendations to implement a high-quality ��M
layout.

4.6.1 Layout Floorplanning

At the very beginning of the layout design stage, it is essential to make an appropriate par-
titioning and placement or floorplan of the different parts that constitute the layout of the
��M. This floorplan must take into account the recommendations discussed subsequently.

Divide the Layout into Different Parts or Regions

The most usual layout partition considers three different regions corresponding to the
analog, mixed-signal, and digital parts of the modulator:

• The analog part should include all analog subcircuits of the ��M core, such as OTAs,
the preamplifiers used in the latched comparators, capacitors, resistors, inductors, as well
as any other auxiliary analog circuit, that is, master bias current generator, reference
voltage generator, etc. This part of the layout must also include critical parts that may
affect the performance of the modulators, such as for instance some control circuits
required to implement reconfiguration techniques, power-down switches, as well as any
other control (analog) circuit.
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• The mixed-signal part usually includes CMOS switches (in SC-��Ms), the latches
used in the comparators, as well as any other ��M subcircuit handling both analog
and digital signals.

• The digital part includes the clock-phase generator, digital buffers, as well as any other
digital logic circuit required for the operation of the modulator, such as DEM logic,
decoders used the quantizers, digital registers, etc.

It is very important to keep in mind that there is not a direct correspondence between the
schematic building blocks and their corresponding parts in the layout of the modulator.
For instance, an SC integrator is made up of three essential circuit elements: opamps,
capacitors, and CMOS switches. However, the first two parts (opamps and capacitors)
are placed in the analog region of the layout, whereas CMOS switches are included
in the mixed-signal region. So the routing between these parts is also especially critical
because their associated parasitics may severely degrade the performance of the modulator.
Another example is the embedded multibit flash ADCs. These circuits are made up of
a resistor ladder and a bank of comparators. The former are included in the analog
part, while the latter are in turn subdivided into three different circuit blocks: preamplifiers,
latches, and SR flip-flops (Figure 4.55), respectively included in the analog, mixed-signal,
and digital sections of the layout.

Shield Sensitive ��M Analog Subcircuits from Switching Noise

The placement of analog and digital parts should be carried out in such a way that there
is an increased distance among the most sensitive analog blocks and the noisy digital
parts. Nevertheless, given that the majority of standard CMOS technologies have a low-
resistivity substrate, the switching activity of digital circuits may severely degrade the
performance of the chip. Hence, additional layout techniques are frequently incorporated
to attenuate the impact of noisy signals propagating across the substrate. Some of these
techniques are the following:

• Use guard rings with dedicated bonding pads and pins surrounding each section of the
circuit. Although these well-known techniques are not so effective in low-resistivity
bulk epitaxial processes, it provides some attenuation at least for the noisy surface
currents propagating in the epitaxial layer [46].

• Use separate voltage supplies for the different parts of the modulator. This strategy
implies using dedicated power supplies (VDD and VSS), each one with their bonding
pad and chip package pin for the analog, mixed-signal, and digital parts, as well as for
the guard rings.

• Extensive use of decoupling capacitors throughout the chip for each supply voltage
(VDD) and its corresponding ground (VSS). This well-known technique allows to keep
supply voltages clean.

Use Buses to Distribute Signals Shared by Different Parts of the Modulator

There are a number of signals that are shared by a number of ��M building blocks, and
consequently, must be distributed across the entire chip. These signals include, among
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others, the digital clock phases, DAC control signals, power-down signals, supply volt-
ages, bias currents, reference voltages, and common-mode voltages. All these signals
must be routed based on a U-shaped bus configuration similar to the one discussed in
Figure 4.70.

Be Obsessive About Layout Symmetry and Details of Analog Parts

The layout of the critical parts of the modulator, particularly the subcircuits forming the
loop filter, must be designed paying attention to any minor detail, following the most
useful layout rules of high-performance analog circuits including, among others:

• Use common-centroid layout structures with unit circuit elements (capacitors, resistors,
transistors) in order to maximize the matching performance.

• Use fully-differential topologies to reduce common-mode interferences.
• Use multiple contacts and vias in order to reduce the parasitic resistances associated

with each connection and to avoid catastrophic failures derived from microfractures in
the metal connections.

• Use single-finger transistors to build CMOS switches. This strategy helps to avoid
crossings among digital signals (clock phases connected at the gate of transistors) and
analog signals (connected at the drain/source terminals).19

• Optimize the width of metal connections taking into account the maximum current
density flowing through each metal path and their parasitic resistances and capacitances.

• Use stacked metal layers to reduce the parasitic resistances.

As an illustration of the abovementioned recommendations, Figure 4.75 shows the
layout floorplanning of a cascade 2-1 SC-��M. A number of the aforementioned rules
are highlighted in the figure. Note that, in addition to previous recommendations, there are
many other basic layout rules that must be followed in order to maximize the performance
of analog circuits. The interested reader can find plenty of excellent papers and books
dealing with this topic [44, 47, 48].

4.6.2 I/O Pad Ring

The design of the I/O pad ring enclosing the ��M core layout is also very critical to
guarantee a correct operation of the modulator. A number of practical rules must be
followed in order to avoid any performance degradation caused by a nonideal behavior
associated with the design, placement, and/or routing of bonding pads. Among others, the
following recipes should be taken into account:

• Divide the pad ring into different parts (analog, mixed-signal, digital, etc.) to further
improve the isolation among the different ��M regions and to avoid switching noise
coupling. To this purpose, divide the power ring using power-cut cells, that is, cells
that provide a virtual cut through diodes in antiparallel configuration, as conceptually
depicted in Figure 4.76 [49].

19 If single-finger transistors are used, the analog signals can be directly routed to the transistor diffusions, while
the digital signals can be connected to the transistor gate either using polysilicon or metal layers.
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Figure 4.76 Conceptual illustration of the virtual connection among different grounds in the power
ring using diodes in antiparallel configuration.

• Place the switching (noisy) pads as far as possible from the most sensitive analog pads.
• Use pads with ESD protection where needed, for instance for signals driving transistor

gates.

As an illustration, Figure 4.77 shows the conceptual floorplanning of an I/O pad ring,
highlighting some of the most important strategies stated earlier.

4.6.3 Importance of Layout Verification and Catastrophic Failures

As it is well known, the use of suitable layout CAD tools, such as Design Rule Checker
(DRC) and Layout Versus Schematic (LVS) tools, are very useful for designers to guaran-
tee that their layouts are free of errors. In addition, layout-extracted simulations including
technology parasitics are also quite convenient to ensure a correct performance of the
chip before sending it for fabrication.

Despite the usefulness of the aforementioned tools, in many practical situations (par-
ticularly in some industrial first-silicon prototypes) it is very common to work with
technologies which are still under development.20 However, one of the consequences
of using such new technologies is that the design kits (i.e., the technology files including
electrical device models, layout rules, etc.) are also under development, which adds extra
effort to designers. For instance, it is relatively common for parasitic extraction tools such
as Layout Parasitic Extractors (LPEs) to be unavailable and consequently, designers have
to be very careful and conservative during the design process—especially at the layout
stage.

In this scenario, it is especially critical to pay attention not only to the error messages
provided by CAD tools (such as DRC/LVS) but also to the warning messages. The
latter may look like insignificant problems—particularly for novel designers! However,
catastrophic failures may be caused by these (apparently a priori) minor problems. To
illustrate this issue, which may appear in many practical circumstances, let us consider
again the SC-��M shown in Figure 4.75a. The circuit implementation of this modulator
involves over 1000 transistors, which requires a tedious and careful design and layout
verification.

20 Many times, industrial partners working in a given project are interested in testing high-performance analog
cells such as ��Ms in a cutting-edge technology.
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Figure 4.77 Conceptual illustration of an I/O pad ring which can be used in ��Ms.

Let us assume that, owing to a design error, the NWELL enclosing the pMOS transistors
of the CMOS switches highlighted in Figure 4.78a are floating, that is, there is not any well
contact. This error is displayed as a warning message by the DRC/LVS tools. Assuming
that there is no LPE available, the layout-extracted netlist is essentially the same as that
of the schematic. Therefore, transistor-level simulations will give good results, masking
an error that obviously affects the signal transmitted from the first integrator to the second
integrator. As a consequence, as illustrated in Figure 4.78b, experimental measurements
reveal a severe performance degradation as compared to the transistor-level (HSPICE)
simulations. That is, a single missing connection in an NWELL enclosing only six pMOS
transistors may completely destroy the performance of a ��M made up of more than
1000 transistors.

In conclusion, the layout phase of ��Ms is a critical stage of the design procedure
and it must be carefully verified and checked using verification CAD tools without
underestimating any warning message or apparently minor issue, which may become
the cause of a catastrophic failure.
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Figure 4.78 Illustrating the performance degradation in the SC-��M shown in Figure 4.75a
caused by a floating NWELL: (a) SC schematic of the front-end stage of Figure 4.75a, highlighting
the CMOS switches with floating NWELL and (b) comparison between experimental and simulated
modulator output spectra, showing how the noise-shaping performance becomes severely degraded
as a consequence of the floating NWELL.

4.7 Chip Package, Test PCB, and Experimental Set-Up

The last stage of the design phase of ��Ms deals with a number of tasks required to
prepare the chip for testing its performance experimentally in a laboratory. The most
important and critical considerations to take into account are the bonding diagram and
chip package, the test PCB, and the experimental set-up. Some of these issues must
be addressed before sending the chip for fabrication. This section describes the most
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important practical issues to be considered regarding packaging, prototyping, and testing
of ��Ms, assuming that they are going to be measured as stand-alone ICs. Similar
recommendations can be followed in case the ��M is embedded in a system-on-chip
(SoC) implementation.

4.7.1 Bonding Diagram and Package

The bonding of the modulator chip has to be deeply analyzed, concerning the pad-ring
placement described in previous section, the number of pads and pins assigned to supplies,
guard rings, reference voltages, etc. Therefore, the selection of the most suitable chip
package is a critical issue because the parasitics associated with the package and with its
bonding connections to the chip may severely affect the performance of the modulator,
particularly when high speed and/or high resolution are demanded.

Indeed, the effect of package and bonding-wire parasitics can be analyzed in detail by
using dedicated CAD tools (such as Cadence Allegro), which allow to simulate the circuit
considering these parasitic effects. Some tools, such as Cadence PKG, allow modeling
of the package by an equivalent LCR circuit that is synthesized from the physical and
electrical characteristics of a given package. Among others, the most important limitations
come from the parasitic bonding inductances. It is recommendable to use surface-mount
devices (SMDs) such as ball grid array (BGA) or quad flat package (QFP)—the latter being
quite commonly used for testing ASIC prototypes in general and �� ICs in particular.

Some critical considerations must be also taken into account. On the one hand, bonding
pads of the same type (analog, mixed-signal, digital, or digital I/Os) must be placed
together and apart from the rest using power-cut diode cells similar to those shown in
Figure 4.76. This allows power separation and avoids cross-talk. Moreover, supply pads
and pins should be placed in parallel to reduce the total parasitic inductance due to the
compensation given by the complementary mutual inductances [44]. On the other hand,
double-bonding techniques and multiple pins are frequently used for the supplies of the
different sections in order to reduce the inductance of the paths to the chip and decrease
supply bounce. Note that if reference voltages are provided externally (off-chip), double
bonding should be also used for the reference pads/pins in order to halve their bonding
parasitic inductances as well.

4.7.2 Test PCB

In order to characterize the ��M IC, a special-purpose PCB is needed in order to connect
the chip to the different test instruments providing the necessary signals, biasing, and
supply voltages, as well as to capture the modulator output data for further processing
in a computer. Owing to the aforementioned practical limitations associated with the
chip packages, other testing approaches are considered, particularly in very high-speed
applications. For instance, the modulator die can be directly bonded to the test PCB,
without using any package, in order to reduce the dimensions of bonding and consequently
the parasitic inductances [9]. Alternatively, low-temperature co-fired ceramic (LTCC)
substrates—commonly used in RF applications—can be used for reducing the effect of
off-chip circuit element parasitics, as these elements can be embedded together with the
modulator die into the same ceramic package.
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Figure 4.79 Conceptual schematic of a test PCB used for measuring the performance of the
modulator in Figure 4.75. Note that this is a simplified version of the modulator presented in
[50], which included a programmable-gain front-end integrator and a preamplifier connected to the
modulator. The additional pins required to include these circuits have been omitted for the sake
of simplicity. Moreover, the values of circuit elements in this test chip correspond to the signal
specifications reported in [50]: Bw = 20 kHz and DR = 110 dB.

Let us consider the most common approach that consists of a chip package connected to
the necessary circuits for testing in a multilayer PCB. Figure 4.79 shows the conceptual
schematic of a PCB used for testing the ��M of Figure 4.75 [50]. In this example,
a 32-pin QFP package is used. Note that, in addition to the effect of circuit parasitics
themselves, external electromagnetic interferences are injected into the ��M chip through
both inductive and capacitive coupling. In order to reduce the impact of off-chip circuit
parasitics and to obtain a robust test circuit, the following circuit strategies are usually
incorporated in the test PCB (some of them highlighted in Figure 4.79):

• Separate the PCB into different areas or planes corresponding to the analog, mixed-
signal, and digital signals. Ground planes should be separated—usually with a gap
larger than 1/8''—and connected only in one point. This way noisy return currents are
minimized.

• Use regulators to keep the values of the supply voltages stable.
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• Use decoupling capacitors in the supply, biasing, and reference voltage lines. It is a
common practice to combine a large tantalum capacitor with a small ceramic capacitor
connected in parallel, in such a way that the ceramic capacitor is placed as close as to
the package pin. Both capacitors are usually connected together with one inductor in a
π-filter configuration, as illustrated in Figure 4.79.

• Keep digital signal paths as far as possible from the sensitive analog pins.
• Use termination resistors for impedance coupling in the digital output lines.
• Use ESD protection diodes for sensitive input pins, particularly if they are not used in

the corresponding bonding pads.

Apart from the aforementioned techniques, PCBs used for testing ��Ms should contain
an AAF. A low-order (typically first- or second-order) RC filter is enough in the majority
of practical situations.

4.7.3 Experimental Test Set-Up

The test set-up and instruments used for measuring the performance of ��Ms in the
laboratory are also very important and need to be carefully planned. The number and type
of laboratory equipment depend on different factors including the nature of the signal to
be tested (low-pass, band-pass, sinewave, modulated signal, etc.), the target modulator
specifications (in-band noise power, linearity, etc.), the type of performance metrics to be
measured (output spectrum, SNR/SNDR, HD3, IM3, INL, etc.), and so forth.

Planning the Types and Number of Equipment Needed

It should be noted, however, that every additional circuit element or laboratory instru-
ment included in the measurement set-up is a potential source of errors and interference
that may degrade the modulator performance. For that reason, it is very important to
think in advance—preferably during the design phase—of the kind of measurements that
will be needed and the type and number of instruments which will be required. In many
practical situations, the performance of the chip cannot be properly characterized exper-
imentally because of limitations imposed by the lab equipment and instruments. Some
examples of these limitations are the jitter error of the clock generators, the maximum
frequency/linearity provided by the signal generator, the maximum capture rate of the
logic analyzer, etc.

Generally speaking, regardless of the specific measurements to be carried out, at least
the following instruments are commonly needed for testing ��Ms:

• Power supply generators to generate the supply voltages, reference voltages, common-
mode voltage as well as any other DC voltage or bias current required. Whenever
possible, it is highly recommended to use a voltage regulator circuit—embedded in the
test PCB—to generate all DC and bias signals from a single voltage supply to minimize
the number of instruments and wires.

• Analog (input) signal generators, at least one sinewave generator, if possible providing
balanced fully-differential signals with the required bandwidth and accuracy—in terms
of noise and linearity. Note that the same common-mode voltage generator must be
used for both the signal generator and the modulator chip. Otherwise, a systematic
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offset will be introduced at the modulator inputs, which may severely degrade the
performance of the modulator.

• Clock generator with the required performance in terms of frequency, logic levels, and
clock jitter error.

• Data acquisition systems, such as logic analyzers or SoC test units (for instance, Agi-
lent 93000), are essential for capturing the modulator output bitstreams, which are
transferred to a personal computer or to a workstation in order to process the data.21

As mentioned previously, apart from the “essential” instruments, other laboratory equip-
ment may eventually be needed, such as spectrum analyzers to check the frequency spec-
trum of a given signal “on the fly,” multimeters to measure the DC operating point, etc.

Connecting Laboratory Instruments

The connection of the different instruments to the test PCB is critical, and must be imple-
mented in such a way that their parasitics are minimized. Among others, the following
recommendations must be followed:

Logic analyzer
pattern

generator

Input  connector

Reference & common voltage
connectors

Clock generator
conectors

Logic analyzer
output connector

Supply voltage
connector

ΣΔM

Figure 4.80 Illustrating some connectors of different instruments in a ��M IC test PCB.

21 Many logic analyzers at present have an embedded PC, so that the same instrument is used for capturing the
��M output data and for processing this data, for instance, using MATLAB. Alternatively, some logic analyzers
and SoC test units can be also used for generating the input signal waveforms, supply voltages, digital control
signals, etc.
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• Use the appropriate connectors for each instrument in the PCB, as illustrated in
Figure 4.80.

• Reduce the length and number of cables used for connecting the instruments.
• Make sure that the ground of each instrument is connected to its corresponding ground

in the PCB, that is, instruments providing analog signals should have their grounds
connected to the analog ground in the PCB.

• Make sure that all grounds are connected in star configuration as conceptually depicted
in Figure 4.81a. Do not use the scheme shown in Figure 4.81b, where the ground of
one instrument is connected to the ground of another instrument and so on.
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Figure 4.81 Illustrating the ground connection of different laboratory instruments to the test PCB.
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Figure 4.82 Conceptual example of a ��M measurement set-up based on a logic analyzer.

Last but not least, another important issue to take into account in the set-up deals with
turn-on/off sequence followed to switch on/off the different instruments involved. Thus,
the turn-on sequence should start with the supply voltage, followed by the clock-signal
generator, and finally, the analog signal generator. The turn-off sequence should be carried
out in the opposite way.

Measurement Set-Up Example

Figure 4.82 shows the conceptual diagram of a measurement set-up based on a logic
analyzer as the data acquisition system [9]. In this case, an Agilent A3631A unit generates
the voltage supply, whereas the fully-differential input signal is generated by a Tektronix
SG5010 audio oscillator. An optional SRS CG635 clock generator can be used for gener-
ating the clock signal, whereas an Agilent A16823B logic analyzer22 is used for acquiring
the modulator output bitstreams and also for generating the digital control signals required

22 Depending on the electrical characteristics demanded for the clock signal, particularly the jitter error specification,
it can be generated by a logic analyzer. If a very low-jitter clock signal is required, then an appropriate clock-signal
generator should be used instead.
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to test the modulator. After bitstream acquisition, data is post-processed in MATLAB. Note
that, in the case of cascade modulators in which the DCL is not implemented on-chip, a
procedure similar to that described in Section 4.3 can be followed to process the output
results.

4.8 Summary

This chapter presented a design guide that includes a collection of practical recipes to
be taken into account in the electrical design and characterization of ��Ms, going from
macromodel representation of their building blocks to their transistor-level and physical-
level implementation, including layout, packaging, and test set-up. A complete description
of the macromodels frequently used for the main building blocks has been presented,
giving some examples on how to use them in both SC and CT-��Ms. At the transistor
level, the most important design considerations of ��M circuit blocks have been detailed,
including amplifiers, transconductors, switches, comparators, and DACs. Several design
examples and simulation test benches have been illustrated, emphasizing on their imple-
mentation in Cadence Design FrameWork II. Apart from the building-block design itself,
a number of practical issues related to the electrical characterization of ��Ms, such as
the injection of noise sources in transient electrical simulations and the post-processing
of simulation results, have been also addressed.

The diverse aspects covered in this chapter close the design flow of ��Ms discussed
in this book, going from ideal fundamentals and architecture considerations given in
Chapter 1, to the impact of nonideal errors at system level discussed in Chapter 2, and to
their application to the high-level synthesis and verification using behavioral models and
simulation, which is detailed in Chapter 3. This systematic top-down/bottom-up design
methodology is complemented in Chapter 5 with an exhaustive study of the state-of-
the-art on ��Ms in order to help designers select the optimum ��M architecture and
circuit technique for their applications together with identifying the trends, challenges,
and practical solutions which have been proposed in each case by the ��M design
community.
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5
Frontiers of �� Modulators:
Trends and Challenges
Since the introduction of the �� modulation technique, there has been a pleiad of ICs
published; implemented using many diverse technology processes, architectural, and cir-
cuit techniques, which have targeted a huge number of applications that span from sensors
and instrumentation to ultra-low power, biomedical applications, and broadband commu-
nications [1–3].

An in-depth understanding of the performance of state-of-the-art ��Ms, their trends,
challenges, and circuits and systems solutions, constitutes a powerful and empirical tool
for designers to select the optimum ��M architecture, circuit implementation, technology
process, etc, for a given set of specifications and/or a particular application. With this
objective in mind and following the practical approach considered throughout this book,
this chapter gives an overview of reported cutting-edge ��M ICs fabricated in CMOS
technologies. The main purpose of this overview is to make an exhaustive analysis of the
evolution trends, design challenges, and reported solutions in order to extract practical
conclusions and guidelines which may be useful for designers in their own projects.

The study described here is inspired by previous surveys on state-of-the-art perfor-
mance of ADCs [3–10]. In the majority of cases, these surveys cover different kinds of
ADCs, not only ��Ms. Among others, the surveys published by Walden [4], Murmann
[5], and more recently Jonsson [8, 9] and Manganaro [10], are particularly exhaustive and
accurate. Compared to these works, the study described in this book focuses on ��M
ICs; emphasizing on the different architectures and circuits used in many different appli-
cations. Moreover, in addition to analyzing statistics and comparing data collected from
publications and extracted from standard performance metrics, the study presented in this
chapter gives an overview of cutting-edge ��M circuits and systems techniques which
are at the frontier of state-of-the-art performance, highlighting the incoming trends and
challenges as well as the proposed efficient solutions.

The data used for this study was mainly collected from the IEEE Journal of Solid-State
Circuits as well as the major conferences sponsored by the IEEE Solid-State Circuits
Society (SSCS), namely International Solid-State Circuits Conference (ISSCC), European
Solid-State Circuits Conference (ESSCIRC), Custom Integrated Circuits Conference
(CICC), Symposium on VLSI Circuits (VLSI), Asian Solid-State Circuits Conference

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.
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(ASSCC), and Radio Frequency Integrated Circuits Symposium (RFIC). In addition to
these SSCS publications, some other remarkable ��M ICs published in the IEEE
Transactions on Circuits and Systems (parts I and II) and the IEEE International
Symposium on Circuits and Systems (ISCAS) have also been collected in the survey.
Overall, more than 300 ��M ICs have been analyzed in detail and considered in
this review. Although the works under study include papers published since 1990 to
June 2012, data was more exhaustively collected in the last 10 years.

All data collected and analyzed in the survey is compiled in an Excel spreadsheet
that is available online at http://www.imse-cnm.csic.es/∼jrosa/CMOS-SDMs-Survey-
IMSE-JMdelaRosa.xlsx. The database in this spreadsheet file is periodically kept up to
date every six months and aims to be a complement to the popular and highly cited
Murmann’s ADC survey data collection [11].

Following this introduction, the chapter is organized as follows. Section 5.1 gives an
overview of the state-of-the-art ��Ms, comparing their performance with Nyquist-rate
ADCs. The diverse families of ��M architectures and circuit techniques are exhaus-
tively analyzed and compared in Section 5.2 in order to extract practical and empirical
design guidelines. Section 5.3 reviews some of the most significant cutting-edge ��M
techniques, analyzing the design trends and challenges in the frontiers of ��Ms. Finally,
the chapter is concluded with a classified description of state-of-the-art references.

5.1 Overview of the State of the Art on ��Ms

Tables 5.1–5.13 sum up the performance of the state-of-the-art ��M ICs considered in
this survey. For the sake of clarity and simplicity, the ICs included in the study have been
classified according to their architecture/circuit characteristics into the following tables:

• SC-��Ms: single-loop single-bit LP-��Ms (Table 5.1), single-loop multibit
LP-��Ms (Table 5.2), cascade single-bit LP-��Ms (Table 5.3), cascade multibit
LP-��Ms (Table 5.4), and BP-��Ms (Table 5.5).

• CT-��Ms: single-loop single-bit LP-��Ms (Table 5.6), single-loop multibit
LP-��Ms (Table 5.7), cascade LP-��Ms (Table 5.8), and BP-��Ms (Table 5.9).

• ��Ms with time-coded quantization (Table 5.10).
• Hybrid ��Ms: CT/DT ��Ms, active/passive ��Ms, digital-based ��Ms, and

��M/Nyquist-rate ADCs (Table 5.11).
• Reconfigurable ��Ms implemented using SC (Table 5.12) and CT circuits (Table 5.13).

In all cases, the main features of each reported IC are summarized in terms of the
following performance metrics: DR (measured in bits), Bw, OSR, technology process,
supply voltage, and power consumption.1 In the case of BP-��Ms (Tables 5.5 and 5.9),
the notch frequency fn is also given. A schematic description of each ��M topology is
sketched in the tables, highlighting the loop-filter order, the number of stages (in cascade
��Ms), the number of bits of the embedded quantizer, the type of quantization technique
(in time-based quantizers), the operation mode and standard covered (in the case of
reconfigurable ��Ms), etc. A more complete description of the modulators—not shown

1 The data corresponding to the power consumption accounts only for the ��M, excluding the power consumed
by the decimation filter.
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Table 5.1 State-of-the-art SC single-loop single-bit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[12] 13.8 2.00E+04 100 3rd-ord 0.18 μm/0.7 3.60E−05 0.06
[12] 12.3 8.00E+03 125 2nd-ord 0.35 μm/1.2 5.60E−06 0.07
[13] 13.5 2.00E+04 50 4th-ord 0.13 μm/0.9 6.00E−05 0.13
[14] 18.5 2.40E+04 — 6th-ord 0.35 μm/5–3.3 2.30E−01 12.93
[15] 14.4 2.00E+04 100 3rd-ord 0.18μm/1 1.30E−04 0.15
[16] 10.5 5.00E+04 65 3rd-ord 90 nm/0.65 2.70E−05 0.19
[17] 16.3 2.50E+04 100 2nd-ord 0.18μm/0.7 8.70E−04 0.21
[18] 12.5 1.60E+04 48 3rd-ord 0.5 μm/0.9 4.00E−05 0.22
[12] 12.2 1.20E+02 42 3rd-ord 0.35 μm/1.5 3.80E−07 0.35
[19] 13.0 8.00E+03 64 2nd-ord 0.18 μm/0.65 4.55E−05 0.35
[20] 16.0 2.00E+04 64 4th-ord 0.5 μm/1.5 1.00E−03 0.38
[21] 15.3 2.50E+05 96 5th-ord 0.8 μm/3.3 4.30E−02 2.13
[22] 14.6 1.00E+03 64 5th-ord 0.35 μm/1.5 2.00E−05 0.40
[23] 9.8 1.00E+04 70 3rd-ord 0.13 μm/0.25 7.50E−06 0.41
[24] 13.7 1.25E+06 50 5th-ord 0.25 μm/2.4 1.40E−02 0.42
[25] 14.4 1.35E+05 48 4th-ord 0.25 μm/2.7 2.84E−03 0.50
[26] 12.2 1.00E+06 31 2nd-ord 0.25 μm/2.4 5.00E−03 0.55
[27] 11.8 3.00E+05 166 2nd-ord 0.13 μm/1.2 2.98E−04 0.14
[19] 11.0 1.60E+04 32 2nd-ord 0.18 m/0.65 4.55E−05 0.69
[28] 13.1 1.00E+05 520 2nd-ord 0.13 μm/1.5 1.28E−03 0.73
[29] 14.4 2.50E+04 100 3rd-ord 0.35 μm/1 9.50E−04 0.88
[30] 10.0 2.00E+04 100 3rd-ord 0.18 μm/0.7 3.60E−05 0.88
[31] 8.7 8.35E+05 30 2nd-ord 45 nm/1.1 6.30E−04 0.89
[32] 12.2 8.00E+03 64 2nd-ord 0.18 μm/0.7 8.00E−05 1.06
[33] 16.7 1.10E+04 64 4th-ord 0.5 μm/2.5 2.50E−03 1.07
[28] 9.9 5.00E+05 104 2nd-ord 0.13 μm/1.5 1.28E−03 1.33
[34] 11.5 7.80E+04 64 4th-ord 0.18 μm/0.5 8.60E−04 1.90
[35] 16.4 4.80E+03 256 2nd-ord 0.7 μm/5 1.71E−03 2.06
[28] 8.1 1.00E+06 52 2nd-ord 0.13 μm/1.5 1.28E−03 2.32
[36] 11.5 2.00E+04 64 2nd-ord 0.18 μm/1.8 4.20E−04 3.63
[37] 12.0 3.40E+03 74 2nd-ord 0.7 μm/1.5 1.01E−04 3.63
[38] 16.0 2.50E+04 256 2nd-ord 1 μm/5 1.38E−02 4.21
[39] 8.7 3.84E+06 24 3rd-ord 0.25 μm/2.5 1.35E−02 4.23
[40] 14.3 3.00E+03 128 2nd-ord 0.5 μm/1.5 5.50E−04 4.54
[41] 12.0 8.00E+03 64 3rd-ord 1.2 μm/2 3.40E−04 5.19
[42] 15.3 3.50E+03 286 2nd-ord 0.6 μ/1.8 2.00E−03 7.08
[43] 13.0 8.00E+03 64 2nd-ord 0.25 μm/1.8 1.00E−03 7.63
[44] 15.3 2.50E+05 64 5th-ord 0.6 μm/5 2.10E−01 10.41
[45] 8.5 2.50E+02 16 3rd-ord 0.35 μm/1.8 2.20E−06 12.15
[46] 13.4 9.77E+04 128 2nd-ord 1.2 μm/5 2.59E−02 12.27
[47] 12.0 5.00E+04 102 2nd-ord 0.35 μm/1 5.60E−03 13.67
[48] 21.0 4.00E+02 320 4th-ord 3 μm/10 2.50E−02 14.90
[47] 13.0 2.00E+04 256 2nd-ord 0.35 μm/1 5.60E−03 17.09
[39] 14.0 2.00E+04 192 3rd-ord 0.25 μm/2.5 1.15E−02 17.55
[49] 20.0 4.00E+02 320 4th-ord 0.6 μm/5 1.60E−02 19.07
[50] 13.5 2.50E+05 64 4th-ord 1.5 μm/5 1.60E−01 27.62
[51] 10.3 1.00E+04 25–125 4th-ord 0.18 μm/1.8 7.50E−04 29.13
[52] 14.5 8.00E+03 256 2nd-ord 3 μm/5 1.20E−02 32.37
[53] 13.8 1.00E+03 250 3rd-ord 2 μm/5 9.40E−04 32.95
[54] 14.2 9.77E+03 256 2nd-ord 2 μm/5 1.30E−02 35.37

The ��M ICs are sorted by FOM. Engineering notation is used for Bw and power consumption.
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Table 5.2 State-of-the-art SC single-loop multibit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[55] 13.7 1.00E+05 16 2nd-ord(9L) 0.18 μm/1.5 1.40E−04 0.05
[56] 13.8 2.00E+04 63 4th-ord(3L) 0.13 μm/0.5 3.50E−05 0.06
[57] 15.0 2.40E+04 64 3rd-ord(5b) 65 nm/0.6 1.33E−04 0.09
[58] 12.7 1.00E+06 24 2nd-ord(—) 0.18 μm/1.5 1.35E−03 0.10
[59] 13.9 1.10E+06 60 2nd-ord(5L) 0.18 μm/1.8 5.40E−03 0.16
[60] 15.0 1.60E+04 128 3rd-ord(3b) 0.18 μm 1.70E−04 0.16
[61] 16.3 2.50E+04 100 2nd-ord(18L) 0.18 μm/0.7 6.80E−04 0.17
[62] 13.2 4.20E+06 12 3rd-ord(4b) 0.18 μm/1.5 1.30E−02 0.17
[63] 10.7 1.94E+06 20 2nd-ord(5L) 90 nm/1.2 1.20E−03 0.19
[64] 14.0 2.20E+06 33 2nd-ord(4b) 0.18 μm/1.8 1.38E−02 0.19
[65] 13.3 1.90E+06 16 2nd-ord(4b) 0.18 μm/1.5 8.10E−03 0.21
[66] 15.0 2.40E+04 128 3rd-ord(4b) 0.18 μm/1 3.50E−04 0.22
[67] 12.3 1.25E+06 16 3rd-ord(9L) 0.18 μm/1.2 3.30E−03 0.25
[68] 11.0 1.60E+04 32 2nd-ord(—) 0.18 μm/1 1.70E−05 0.26
[69] 13.4 1.10E+06 47 2nd-ord(3b) 0.13 μm/1.5 7.00E−03 0.30
[70] 10.2 2.00E+07 8 3rd-ord(4b) 0.18 μm/1.8 1.60E−02 0.35
[22] 14.6 1.00E+03 16 5th-ord(1.5b) 0.35 μm/1.8 2.00E−05 0.40
[71] 13.0 2.50E+06 12 4th-ord(4b) 0.18 μm/1.6 1.92E−02 0.47
[72] 9.8 6.00E+06 8 3rd-ord(5b) 0.18 μm/1.8 6.18E−03 0.58
[73] 14.0 1.25E+06 32 5th-ord(1.5b) 0.25 μm/2.5 2.40E−02 0.59
[74] 11.3 4.00E+06 13 4th-ord(4b) 90 nm/1.2−3 1.18E−02 0.60
[75] 13.7 1.25E+07 8 5th-ord(4b) 0.18 μm/1.8 2.00E−01 0.60
[69] 14.4 3.00E+05 175 2nd-ord(3b) 0.13 μm/1.5 8.00E−03 0.63
[76] 10.7 1.00E+06 20 2nd-ord(4b) 90 nm/1.3 2.10E−03 0.63
[77] 12.8 2.00E+05 65 2nd-ord(5b) 0.13 μm/1.5 2.40E−03 0.82
[77] 12.0 2.00E+05 65 2nd-ord(5b) 0.13 μm/1.2 1.40E−03 0.85
[76] 12.5 2.00E+05 50 2nd-ord(4b) 90 nm/1.3 2.10E−03 0.91
[78] 15.0 2.40E+04 128 3rd-ord(3L) 0.13 μm/0.9 1.50E−03 0.95
[79] 17.2 2.00E+04 154 2nd-ord(4b) 0.13 μm/3.3 9.90E−03 1.61
[80] 13.8 3.00E+05 96 2nd-ord(3b) 0.18 μm/1.8 1.50E−02 1.75
[81] 17.0 3.13E+04 128 2nd-ord(5b) 0.18 μm/3.3 1.47E−02 1.79
[82] 15.8 1.25E+06 24 3rd-ord(4b) 0.65 μm/5 2.95E−01 2.07
[83] 12.7 2.20E+06 8 2nd-ord(4b) 0.35 μm/3.3 6.20E−02 2.18
[84] 12.7 2.20E+06 8 5th-ord(4b) 0.35 μm/3.3 6.20E−02 2.18
[77] 8.0 2.00E+06 12 2nd-ord(5b) 0.13 μm/1.5 2.90E−03 2.81
[85] 12.8 6.25E+05 18 2nd-ord(6b) 0.18 μm/2.7 3.00E−02 3.30
[86] 18.7 2.00E+04 128 5th-ord(4b) 0.35 μm/5−3.3 6.80E−02 3.99
[85] 11.7 1.92E+06 12 2nd-ord(6b) 0.18 μm/2.7 5.00E−02 4.00
[87] 19.0 4.00E+02 512 2nd-ord(3b) 2 μm/5 2.18E−03 5.19
[88] 13.7 6.25E+05 12 4th-ord(4b) 0.25 μm/2.5 1.00E−01 6.01
[89] 20.3 2.00E+04 128 5th-ord(33L) 0.35 μm/5 3.30E−01 6.39
[88] 13.0 1.00E+06 12 4th-ord(4b) 0.25 μm/2.5 1.05E−01 6.41
[85] 13.5 2.00E+05 58 2nd-ord(6b) 0.18 μm/2.7 3.00E−02 6.47
[82] 12.0 6.25E+06 8 3rd-ord(4b) 0.65 μm/5 3.80E−01 7.42
[90] 13.7 2.50E+05 16 4th-ord(4b) 1.2 μm/5 5.80E−02 8.96
[91] 16.0 4.50E+01 512 1st-ord(3b) 0.35 μm/2.6 6.00E−05 10.17
[92] 19.3 4.80E+04 64 7th-ord(3L) 0.8 μm/5 7.60E−01 12.26
[93] 16.7 2.00E+04 64 2nd-ord(5b) 0.5 μm/3.3 7.04E−02 16.53
[94] 16.2 2.40E+04 64 2nd-ord(5b) 0.5 μm/3.3 6.86E−02 18.72
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Table 5.2 State-of-the-art SC single-loop multibit LP-��Ms (cont.)

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[85] 15.3 1.80E+04 639 2nd-ord(6b) 0.18 μm/2.7 3.00E−02 20.37
[95] 18.0 2.00E+04 154 5th-ord(17L) 0.35 μm/5 3.00E−01 27.83
[96] 15.7 2.00E+04 64 2nd-ord(3b) 1.2 μm/5 6.75E−02 32.82
[97] 16.0 1.95E+04 128 3rd-ord(1b-5b) 2 μm/5 8.50E−02 33.26
[98] 14.3 1.00E+03 16 5th-ord(17L) 0.35 μm/1.8 9.00E−03 223.09

The ��M ICs are sorted by FOM. Architecture is expressed in terms of the modulator order
and the number of bits/levels of the embedded quantizer. For instance, 2nd-ord(4b) represents
a second-order loop filter with 4-bit quantizer and 5th-ord(33L) means a fifth-order architecture
with 33-level quantizer.

Table 5.3 State-of-the-art SC cascade single-bit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[99] 12.8 2.00E+04 64 2-2 0.13 μm/1 1.80E−05 0.06
[99] 11.50 4.00E+04 64 2-2 0.13 μm/1.2 1.80E−02 0.15
[19] 12.2 1.60E+04 32 2-1 0.18 μm/0.65 6.18E−05 0.42
[19] 13.0 8.00E+03 64 2-1 0.18 μm/0.65 6.18E−05 0.47
[100] 12.2 1.00E+06 31 2-2 0.25 μm/2.4 5.00E−03 0.53
[101] 13.6 1.00E+06 56 3-1 65 nm/1 1.70E−02 0.67
[102] 16.1 2.50E+04 80 2-1 0.8 μm/1.8 2.50E−03 0.71
[103] 14.3 2.00E+04 100 2-2 0.18 μm/1 6.60E−04 0.82
[104] 13.5 1.80E+05 36 2.2 0.4 μm/1.8 5.00E−03 1.20
[105] 18.1 2.00E+04 128 2-1 0.35 μm/3.3 1.47E−02 1.31
[106] 14.1 2.00E+05 100 2-1 130 nm/1.2 1.10E−02 1.57
[107] 15.0 1.10E+06 24 2-1-1 0.5 μm/3.3 2.00E−01 2.77
[108] 15.7 1.60E+05 64 2-1 1.2 μm/5 6.50E−02 3.82
[109] 14.8 1.00E+06 24 2-1-1 1 μm/5 2.30E−01 4.03
[110] 14.0 1.10E+06 24 2-2-2 0.35 μm/3.3 1.50E−01 4.16
[111] 16.7 2.20E+04 128 2-1 0.6 μm/3 2.20E−02 4.86
[112] 17.0 2.50E+04 128 2-1 1 μm/5 4.70E−02 7.17
[113] 18.1 1.25E+04 64 2-2 0.6 μm/5 7.50E−02 10.68
[114] 15.0 9.00E+04 64 1-1-1 1.5 μm/5 7.60E−02 12.89
[115] 18.1 2.40E+04 128 2-2 0.7 μm/5 5.00E−01 35.91
[116] 14.8 2.50E+04 64 2-2 3 μm/5 7.40E−02 51.03

The cascade topology is expressed in terms of the stage orders. For instance, notation 2-2 is used
for representing a fourth-order cascade ��M made up of two second-order stages.
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Table 5.4 State-of-the-art SC cascade multibit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[117] 12.2 5.00E+06 13 2(4b)-2(4b) 0.13 μm/1.2 8.90E−03 0.19
[118] 11.4 2.00E+07 11 2-2(4b) 90 nm/1.2 2.79E−02 0.26
[119] 11.3 2.50E+06 8 1(4L)-1(4L)-1(4L)-1(4L) 65 nm/1.2 3.73E−03 0.29
[120] 12.5 6.25E+05 16 2(3b)-2(2b) 0.18 μm/1.2 2.10E−03 0.29
[121] 12.0 3.13E+06 8 0-3(17L) 0.18 μm/1.8 1.90E−02 0.74
[76] 9.4 2.00E+06 10 2(4b-dual) 90 nm/1.3 2.10E−03 0.79
[122] 10.4 1.92E+06 100 2-1(5L) 0.13 μm/1.2 4.30E−03 0.83
[123] 14.0 2.20E+06 16 2(3L)-1(3L)-1(3L) 0.25 μm/2.5 6.25E−02 0.87
[124] 10.8 2.00E+07 8 2-2(4b) 90 nm/1.4 7.80E−02 1.09
[122] 13.4 1.00E+05 195 2-1(5L) 0.13 μm/1.2 2.40E−03 1.11
[125] 15.0 2.00E+06 16 2(5b)-2(3b)-1(3b) 0.5 μm/2.5 1.50E−01 1.14
[126] 15.0 1.25E+06 8 2(4b)-1(4b)-1(4b) 0.5 μm/5 1.05E−01 1.28
[127] 13.0 2.20E+06 16 2-1-1(3b) 0.25 μm/2.5 7.17E−02 1.99
[127] 13.8 1.10E+06 32 2-1-1(3b) 0.25 μm/2.5 6.58E−02 2.10
[127] 12.7 2.20E+06 16 2-1-1(3b) 0.25 μm/2.5 6.58E−02 2.25
[128] 13.4 2.00E+04 64 2-2(1.5b) 0.35 μm/0.6 1.00E−03 2.31
[127] 13.7 1.10E+06 32 2-1-1(3b) 0.25 μm/2.5 7.17E−02 2.45
[129] 16.4 1.00E+06 8 2(5b)-2(3b) 0.25 μm/— 4.75E−01 2.75
[130] 13.0 1.10E+06 16 2-1-1(3b) 0.7 μm/5 5.50E−02 3.05
[131] 14.6 1.10E+06 29 2-1-1(2b) 0.35 μm/3.3 1.80E−01 3.29
[132] 13.0 7.81E+05 32 2-2(3b) 0.35 μm/2.5 5.00E−02 3.91
[127] 13.0 1.10E+06 16 2-1-1(4b) 0.35 μm/3.3 7.37E−02 4.09
[38] 12.0 1.05E+06 24 2-1(3b) 1 μm/5 4.10E−02 4.77
[127] 12.0 2.00E+06 16 2-1-1(4b) 0.35 μm/3.3 7.83E−02 4.78
[133] 10.2 8.33E+06 3 1-1-1-1-1-1-1-1(3L) 0.18 μm/1.8 9.50E−02 5.02
[110] 13.0 1.10E+06 24 2-2(5b) 0.35 μm/3.3 9.90E−02 5.49
[134] 8.5 4.00E+07 4 2(1.5b)-2(4b) 0.13 μm/1.2 1.75E−01 6.04
[135] 13.0 7.00E+05 16 2-2-2(3L) 0.7 μm/3.3 8.10E−02 7.06
[136] 14.3 1.00E+05 16 2(1.5b)-2(1.5b)-2(1.5b) 1.2 μm/5 4.00E−02 10.26

The number of bits per levels of the quantizer is given in parentheses. This way, notation 2-1(5L)
is used for denoting a cascade 2-1 ��M topology with 5-level quantizer in the second stage. If
no parentheses are shown, single-bit quantization is assumed in a given modulator stage.
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Table 5.5 State-of-the-art SC BP-��Ms

Ref. DR fn Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) (Hz) voltage (V) (W) (pJ/conv)

[137] 14.4 4.00E+07 2.50E +06 12 4th-ord 0.18 μm/1.8 1.50E−01 1.39
[138] 13.3 2.00E+07 1.25E+06 32 4-4 0.35 μm/3 3.70E−02 1.47
[139] 11.7 4.00E+07 1.00E+06 6 4th-ord 0.18 μm/1.8 1.60E−02 2.46
[140] 13.2 1.00E+07 2.00E+05 33 2-0 0.25 μm/2.1 1.00E−02 2.66
[138] 11.7 2.00E+07 1.76E+06 23 4-4 0.35 μm/3 3.70E−02 3.16
[141] 15.7 1.26E+07 3.10E+05 65 4th-ord 0.18 μm/1.8 1.15E−01 3.61
[142] 13.4 1.07E+07 6.00E+04 0 4th-ord 0.25 μm/1 8.45E−03 6.65
[143] 12.0 1.60E+07 2.00E+06 16 6th-ord 0.25 μm/2.5 1.10E−01 6.71
[142] 12.0 1.07E+07 1.00E+05 0 4th-ord 0.25 μm/1 8.45E−03 10.03
[142] 12.7 1.07E+07 6.00E+04 0 4th-ord 0.25 μm/1 8.45E−03 10.58
[144] 11.7 3.25E+06 2.00E+05 33 4-2 0.8 μm/3 1.44E−02 10.82
[145] 14.5 1.07E+07 4.00E+05 46 4th-ord(4b) 0.15 μm/3.3 2.08E−01 11.22
[145] 15.3 1.07E+07 2.00E+05 93 4th-ord(4b) 0.15 μm/3.3 2.08E−01 12.89
[142] 10.0 1.07E+07 2.00E+05 0 4th-ord 0.25 μm/1 8.45E−03 20.63
[146] 12.6 5.66E+05 2.50E+05 20 2-2(3b) 0.25 μm/2.5 7.70E−02 24.81
[147] 9.0 2.00E+06 3.00E+04 133 4th-ord 2 μm/3.3 8.00E−04 26.04
[148] 11.7 2.00E+07 2.70E+05 148 4th-ord 0.35 μm/3 5.60E−02 31.17
[149] 12.2 2.00E+07 2.00E+05 200 4th-ord 0.6 μm/3.3 7.20E−02 38.26
[150] 9.7 3.25E+06 2.00E+05 32 3rd-ord 0.35 μm/3.3 1.87E−02 56.21
[148] 6.7 2.00E+07 3.84E+06 10 4th-ord 0.35 μm/3 5.60E−02 70.13
[151] 12.0 1.07E+07 2.00E+05 93 6th-ord 0.35 μm/3.3 1.16E−01 70.80
[145] 18.3 1.07E+07 3.00E+03 6167 4th-ord(4b) 0.15 μm/3.3 2.08E−01 107.41
[152] 10.8 3.75E+06 2.00E+05 25 4th-ord 0.8 μm/5 1.30E−01 182.29
[153] 6.8 1.07E+07 2.00E+05 107 2nd-ord 0.35 μm/1 1.20E−02 269.23
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Table 5.6 State-of-the-art CT single-loop single-bit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[154] 13.5 3.60E+07 50 4th-ord 90 nm/1.2 1.50E−02 0.018
[155] 14.5 1.00E+06 32 4th-ord 0.18 μm/1.8 2.00E−03 0.04
[156] 15.6 2.40E+04 128 3rd-ord 0.18 μm/1.8 1.10E−04 0.05
[157] 15.0 2.40E+04 127 3rd-ord 0.18 μm/1.8 1.10E−04 0.07
[156] 14.8 2.40E+04 128 3rd-ord 0.18 μm/1.8 1.22E−04 0.09
[158] 14.6 1.00E+06 32 4th-ord 0.18 μm/1.8 4.70E−03 0.09
[159] 12.8 2.00E+04 64 4th-ord 0.13 μm/0.6 2.86E−05 0.10
[160] 9.6 1.56E+07 32 4th ord 0.13 μm/1.2 4.00E−03 0.16
[161] 9.9 6.00E+07 50 3rd-ord 45 nm/1.4-1.8 2.00E−02 0.17
[162] 11.3 4.00E+06 18 3rd-ord 65 nm/0.95-1.25 3.60E−03 0.18
[163] 10.8 1.00E+07 32 3rd-ord 90 nm/1.2 6.80E−03 0.19
[164] 11.7 4.00E+06 64 3rd-ord 90 nm/1.2 5.50E−03 0.21
[165] 11.8 4.00E+07 12 4th ord 90 nm/1.2 6.96E−02 0.24
[166] 10.1 1.00E+07 15 5th-ord 0.11 μm/1.1 5.32E−03 0.25
[164] 12.7 1.92E+06 64 3rd-ord 90 nm/1.2 6.44E−03 0.26
[167] 14.0 6.00E+05 213 4th-ord 90 nm/1.3 5.40E−03 0.27
[168] 12.8 1.95E+06 32 5th-ord 65 nm/2.5 8.55E−03 0.30
[169] 9.7 1.50E+07 50 5th-ord 45 nm/1.1 9.00E−03 0.37
[164] 11.5 1.92E+06 64 3rd-ord 90 nm/1.2 4.34E−03 0.39
[164] 13.5 5.00E+05 90 3rd-ord 90 nm/1.2 5.00E−03 0.43
[170] 12.5 1.00E+06 140 2nd-ord 0.18 μm/1.8 6.00E−03 0.52
[171] 11.8 6.40E+06 32 3rd-ord 0.13 μm/1.2 2.52E−02 0.54
[171] 10.2 1.70E+07 12 3rd-ord 0.13 μm/1.2 2.52E−02 0.61
[172] 10.7 1.25E+06 64 4th-ord 0.13 μm/1.2 2.70E−03 0.65
[173] 11.3 2.00E+06 38 4th-ord 0.18 μm/1.8 6.60E−03 0.65
[174] 11.8 2.50E+04 48 3rd-ord 0.5 μm/1.5 1.35E−04 0.76
[175] 12.3 5.00E+05 64 5th-ord 0.18 μm/1.8 4.40E−03 0.87
[176] 13.3 1.00E+05 65 4th-ord 0.35 μm/2.5 1.80E−03 0.89
[177] 11.2 4.00E+06 50 3rd-ord 0.18 μm/1.8 1.69E−02 0.92
[178] 10.4 1.30E+06 50 4th-ord 0.11 μm/1.2 3.42E−03 0.99
[179] 9.4 5.00E+04 32 3rd-ord 0.5 μm/1.5 7.50E−05 1.11
[180] 11.3 3.15E+06 81 2nd-ord 90 nm/1.2 1.25E−02 1.26
[181] 12.4 1.23E+06 813 2nd-ord 0.18 μm/1.8 1.80E−02 1.35
[178] 11.4 4.28E+05 150 4th-ord 0.11 μm/1.2 3.42E−03 1.51
[182] 10.5 2.50E+06 16 2nd-ord 1.2 μm/3 1.20E−02 1.66
[183] 12.0 2.50E+04 64 3rd-ord 0.18 μm/0.5 3.70E−04 1.81
[184] 11.3 2.50E+04 48 3rd-ord 0.5 μm/1.5 2.50E−04 1.98
[185] 10.0 3.10E+06 64 5th-ord 0.6 μm/3.3 1.60E−02 2.52
[186] 13.0 4.00E+03 64 4th-ord 0.5 μm/2.2 2.00E−04 3.05
[187] 10.0 1.20E+06 16 1st-ord 0.35 μm/3.3 1.22E−02 4.96
[188] 11.7 2.56E+02 111 2nd-ord 0.18 μm/1.4 1.33E−05 7.97
[189] 9.6 1.00E+06 25 2nd-ord 2 μm/5 1.66E−02 10.70
[190] 10.0 2.50E+04 48 3rd-ord 0.5 μm/1.5 7.50E−04 14.65
[191] 12.8 1.00E+04 10 000 3rd-ord 0.18 μm/1.8 4.30E−03 31.21
[192] 12.8 1.00E+02 1500 2nd-ord 0.7 μm/5 2.00E−03 1373.36
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Table 5.7 State-of-the-art CT single-loop multibit LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[193] 15.2 2.40E+04 64 3rd-ord(4b) 0.18 μm/1.8 9.00E−05 0.05
[194] 11.7 2.50E+07 16 3rd-ord(4b) 90 nm/1.2 8.50E−03 0.05
[195] 13.0 2.00E+07 16 3rd-ord(4b) 0.13 μm/1.2 2.00E−02 0.06
[196] 11.4 1.00E+07 15 5th-ord(3b) 110 nm/1.1 5.32E−03 0.10
[197] 10.2 2.50E+07 10 3rd-ord(4b) 90 nm/1.2 8.00E−03 0.14
[198] 13.0 2.00E+06 32 3rd-ord(3b) 65 nm/1.2 4.52E−03 0.14
[199] 12.0 2.00E+06 26 3rd-ord(4b) 0.13 μm/1.5 3.00E−03 0.18
[200] 12.2 1.00E+06 32 3rd-ord(4b) 0.13 μm/1.2 2.20E−03 0.23
[201] 11.3 5.00E+06 10 3rd-ord(4b) 0.13 μm/1.2 6.00E−03 0.25
[202] 11.3 1.50E+07 10 3rd-ord(4b) 0.18 μm/1.8 2.07E−02 0.27
[203] 11.5 1.00E+07 13 3rd-ord(3.5b) 130 nm/1.2 1.80E−02 0.31
[204] 13.2 8.00E+06 16 4th-order(4b) 65 nm/1.3 5.00E−02 0.33
[205] 12.7 2.00E+07 23 4th-ord(4b) 0.13 μm/1.5 8.70E−02 0.34
[206] 13.0 1.20E+07 10 3rd-ord(6b) 0.5 μm/2.5 7.50E−02 0.38
[207] 11.3 1.25E+08 16 3rd-ord(4b) 45 nm/1.1,1.8 2.60E−01 0.41
[208] 9.7 2.50E+07 405 5th-ord(4b) 0.18 μm/1.8 1.80E−02 0.44
[209] 11.0 2.00E+07 24 3rd-ord(3b) 130 nm/1.3 3.80E−02 0.46
[210] 13.3 1.00E+07 32 5th-ord(3b) 0.18 μm/1.8 1.00E−01 0.50
[211] 14.0 1.00E+05 130 2nd-ord(3b) 65 nm/1 2.10E−03 0.64
[212] 13.9 2.50E+06 12 5th-ord(4b) 0.25 μm/2.5 5.00E−02 0.65
[207] 10.5 1.25E+08 16 3rd-ord(4b) 45 nm/1.1 2.60E−01 0.72
[211] 10.2 1.92E+06 16 2nd-ord(3b) 65 nm/1 3.20E−03 0.72
[213] 10.0 2.00E+06 26 3rd-ord(3b) 0.13 μm/1.2 3.00E−03 0.73
[214] 14.0 1.20E+05 54 4th-ord(3b) 0.13 μm/1.25 3.00E−03 0.76
[215] 10.0 1.92E+06 48 1st-ord(5b) 130 nm/1.2 3.10E−03 0.79
[216] 10.0 1.92E+06 48 1st-ord(5b) 0.13 μm/1.2 3.10E−03 0.80
[217] 10.8 2.00E+07 16 3rd-ord(4b) 0.13 μm/1.2 5.80E−02 0.82
[218] 12.5 6.00E+05 42 3rd-ord(2b) 90 nm/1.5 6.00E−03 0.86
[219] 11.5 2.00E+06 32 5th-ord(3L) 0.18 μm/1.8 1.10E−02 0.95
[220] 14.9 2.00E+04 300 2nd-ord(4b) 45 nm/1.1 1.20E−03 0.98
[221] 11.0 1.50E+07 10 4th-ord(4b) 0.13 μm/1.5 7.00E−02 1.14
[222] 11.0 1.50E+07 10 4th-ord(4b) 0.13 μm/1.5 7.50E−02 1.22
[223] 10.0 2.00E+07 16 3rd-ord(4b) 0.13 μm/1.2 5.80E−02 1.40
[224] 14.4 1.00E+06 16 3rd-ord(5b) 0.5 μm/– 6.20E−02 1.43
[225] 8.7 2.00E+07 16 2nd-ord(3b) 0.25 μm/2.5 3.20E−02 1.92
[226] 8.9 2.00E+07 5 3rd-ord(4b) 0.18 μm/1.8 1.03E−01 5.39

Table 5.8 State-of-the-art CT cascade LP-��Ms

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[227] 12.5 2.00E+07 8.5 2-2 I/Q 90 nm/1.2 5.60E−02 0.24
[228] 11.7 1.00E+07 5 1(3L)-1(1b) 0.18 μm/2 4.80E−02 0.72
[229] 11 1.80E+07 10 2-1-1(4b) 0.18 μm/1.8 1.83E−01 2.48
[230] 11 1.80E+07 10 2-1-1(4b) 0.18 μm/1.8 1.83E−01 2.48
[231] 10.87 2.00E+07 8 2-2(4b) I/Q 0.18 μm/1.8 2.16E−01 2.89
[231] 10.87 1.00E+07 8 2-2(4b) 0.18 μm/1.8 1.22E−01 3.27

I/Q is used for denoting a quadrature topology.
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Table 5.9 State-of-the-art CT BP-��Ms

Ref. DR fn Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) (Hz) voltage (V) (W) (pJ/conv)

[232] 11.3 2.4–2.5E+09 2.00E+07 80 6th-ord 40 nm 2.00E−02 0.19
[233] 14.7 1.30E+05 2.00E+05 65 3rd-ord 0.25 μm/1.8 2.70E−03 0.25
[234] 10.0 2.40E+09 6.00E+07 25 6th-ord 90 nm/1 4.00E−02 0.33
[235] 9.9 8.50E+01 5.00E+06 95 2nd-ord 0.18 μm/1.8 6.00E−03 0.36
[236] 9.7 2.00E+08 2.40E+07 16 4th-ord 65 nm/1.25 1.20E−02 0.39
[237] 12.0 — 3.84E+06 20 5th-ord 0.18 μm/2.9 1.41E−02 0.45
[237] 13.5 — 1.23E+06 32 5th-ord 0.18 μm/2.9 1.31E−02 0.46
[238] 11.0 2.00E+06 1.00E+06 24 2nd-ord(4b) 0.18 μm/1.8 2.20E−03 0.54
[239] 12.0 0–1E+09 1.50E+08 12 6th-ord 65 nm/1 5.50E−01 0.80
[240] 13.3 1.00E+05 2.70E+05 24 4th-ord 0.25 μm/2 4.60E−03 0.83
[241] 14.7 4.40E+07 8.50E+06 16 4th-ord 0.18 μm/2.9 3.75E−01 0.83
[242] 8.3 2.44E+09 2.80E+07 64 4th-ord 0.13 μm/1.2 1.50E−02 1.00
[243] 9.3 2.25E+08 4.00E+06 13 4th-ord 65 nm/1 1.30E−02 2.67
[244] 13.3 1.07E+07 2.00E+05 53 5th-ord 0.25 μm/2.5 1.10E−02 2.73
[245] 12.7 1.00E+07 2.00E+04 250 2nd-ord 1.2 μm/3.3 2.50E−04 3.42
[246] 6.9 2.44E+09 8.00E+07 38 4th-ord 40 nm/1.1 5.28E−02 3.60
[247] 11.3 2.00E+08 1.00E+07 40 4th-ord 0.18 μm/1.8 1.60E−01 3.72
[234] 10.0 2.44E+09 6.00E+07 60 6th-ord 90 nm/1.2 4.00E−02 4.08
[242] 8.2 2.44E+09 2.50E+07 64 4th-ord 0.13 μm/1.2 1.90E−02 4.65
[237] 15.0 1.00E+05 2.00E+04 650 5th-ord 0.18 μm/2.9 9.10E−03 6.94
[248] 16.0 1.07E+07 2.00E+05 104 5th-ord 0.18 μm/1.8 2.10E−01 8.01
[249] 9.3 4.09E+06 2.00E+06 31 2nd-ord 0.25 μm/1.8 2.05E−02 8.36
[250] 9.0 9.00E+08 9.00E+06 55 4th-ord 65 nm/1.2 8.00E−02 8.62
[249] 8.1 4.09E+06 4.00E+06 16 2nd-ord 0.25 μm/1.8 2.05E−02 9.67
[251] 7.7 2.22E+09 8.00E+07 160 4th-ord 40 nm/1.1 1.64E−01 9.86
[248] 14.0 1.07E+07 5.00E+05 42 5th-ord 0.18 μm/1.8 2.10E−01 12.82
[252] 8.4 4.73E+07 3.84E+06 25 4th-ord 0.35 μm/3.3 4.50E−02 16.99
[248] 19.3 1.07E+07 3.00E+03 6950 5th-ord 0.18 μm/1.8 2.10E−01 54.22
[253] 8.3 7.97E+08 1.00E+06 1600 4th-ord 0.13 μm/1.2 3.00E−02 58.06
[254] 10.8 1.07E+07 2.00E+05 100 6th-ord 0.5 μm/5 6.00E−02 84.13
[255] 6.7 2.44E+09 1.00E+06 1628 2nd-ord 0.13 μm/1.3 2.60E−02 126.40
[252] 9.2 4.73E+07 2.00E+05 473 2nd-ord 0.35 μm/3.3 4.50E−02 195.30
[256] 6.7 7.00E+07 2.00E+05 700 2nd-ord 0.5 μm/2.5 3.90E−02 937.79
[257] 7.2 1.00E+08 2.00E+05 1000 4th-ord 0.35 μm/3.3 1.65E−01 2805.49
[258] 6.0 1.00E+09 5.00E+05 4000 4th-ord 0.18 μm/1.8 2.90E−01 4531.25
[257] 8.7 1.00E+08 2.00E+05 1000 4th-ord 0.35 μm/2.7–3.3 3.30E−01 5678.56
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Table 5.10 State-of-the-art ��Ms with time-coded quantization

Ref. DR Bw OSR Architecture Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[259] 13.2 2.00E+07 45 1st-ord—VCO 0.13 μm/1.5 2.00E−02 0.05
[260] 12.8 1.00E+07 30 2nd-ord—VCO 90 nm/1.2 1.60E−02 0.11
[261] 12.5 4.00E+06 12.5–150 1(4b)—VCO 0.13 μm/1.2 6.10E−03 0.13
[262] 12.7 2.50E+07 8 5th-order—VCO 0.18 μm/1.8 4.80E−02 0.14
[263] 9.8 2.00E+07 16 3rd-ord—TEQ 65 nm/1 7.00E−03 0.19
[264] 11.2 1.80E+07 32 Ring-oscillator 65 nm/1 1.70E−02 0.20

11.8 9.00E+06 64 Modulator 1.70E−02 0.26
[265] 11.7 2.00E+07 25 2nd-ord(5b)—VCO 0.13 μm/1.2 4.00E−02 0.30

12.6 4.50E+06 128 1.70E−02 0.30
11.5 4.50E+06 64 8.00E−03 0.31

[266] 9.7 2.00E+07 6 2nd-ord—TDC 65 nm/1.3 1.05E−02 0.32
[267] 13.00 1.00E+05 25–250 1-1-1—TDC 0.13 μm/1.2 7.00E−04 0.43
[268] 9.7 1.00E+06 78 2nd-ord—TDC 90 nm/1.2 1.30E−03 0.80

TDC stands for time-to-digital converter; TEQ stands for time-encoding quantizer.

Table 5.11 State-of-the-art hybrid ��Ms

Ref. DR Bw OSR Hybrid Tech./supply Power FOM
(bit) (Hz) Technique voltage (V) (W) (pJ/conv)

[269] 16.7 2.42E+04 135 CT-DT 40 nm/1 5.00E−04 0.10
[270] 13.8 5.00E+06 8 ��M-pipeline 0.18 μm/1.8 2.20E−02 0.15
[271] 13.0 5.00E+06 9 Active–passive 55 nm/1.3 1.30E−02 0.16
[272] 12.2 5.00E+06 16 ��M-cyclic 0.18 μm/1.8 7.90E−03 0.16
[273] 12.2 1.56E+06 8 ��M/two-step 0.18 μm/1.2 2.60E−03 0.18
[274] 11.2 1.20E+06 15000 Active–passive 65 nm/1.4 1.16E−03 0.21
[275] 10.9 2.00E+06 38 Active–passive 0.28 μm/1.5 2.70E−03 0.35
[276] 12.5 2.00E+05 375 Digital-based 65 nm/1.3 9.50E−04 0.41
[228] 11.7 1.00E+07 5 ��M-cyclic 0.18 μm/2 4.80E−02 0.72
[215] 10.0 1.92E+06 48 ��M-SAR 130 nm/1.2 3.10E−03 0.79
[277] 8.9 5.00E+06 8 Digital-based 0.18 μm/1.8 4.00E−03 0.85
[278] 11.0 3.13E+06 16 CT-DT 65 nm/1.1 1.10E−02 0.86
[279] 12.5 7.50E+06 16 CT-DT 0.18 μm/1.2 8.90E−02 1.02
[277] 12.4 2.00E+05 16 Digital-based 0.18 μm/1.8 4.00E−03 1.89
[280] 12.2 1.00E+07 4 ��M-pipeline 0.18 μm/3.3 2.40E−01 2.55
[281] 15.9 4.80E+04 128 CT-DT 0.35 μm/3.3 1.80E−02 3.07
[282] 16.5 2.00E+04 256 CT-DT 65 nm/3.3 1.50E−02 4.10
[283] 16.7 2.00E+04 128 CT-DT 0.18 μm/3.3 3.73E−02 8.76
[284] 9.5 4.00E+06 500 Active–passive 90 nm/1.2 5.40E−02 9.32
[285] 13.0 1.10E+04 64 CT-DT 0.5 μm/1.8 1.70E−03 9.43
[286] 14.5 1.25E+06 8 ��M-pipeline 0.6 μm/5 5.50E−01 9.49
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Table 5.12 State-of-the-art SC adaptive/reconfigurable ��Ms

Ref. Standard DR Bw OSR Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[85] AMPS 15.0 1.8E+04 639 180 nm/2.7 3.00E−02 22.1
GSM 13.2 2.0E+05 58 3.00E−02 5.4
CDMA 12.5 6.75E+05 17 3.00E−02 2.9
UMTS 11.4 1.92E+06 12 5.00E−02 2.8

[287] GSM/EDGE 14.3 1.0E+05 130 130 nm/1.2,3.3 2.39E−02 0.7
UMTS 12.8 1.92E+06 12 2.45E−02 0.3
WLAN 10.8 1.0E+07 6 4.45E−02 0.6

[288] GSM 14.1 2.0E+05 100 130 nm/3.3 2.52E−02
Bluetooth 13.2 1.0E+06 20 2.50E−02
WCDMA 10.2 4.0E+06 10 4.45E−02

[289] GSM 14.1 1.0E+05 130 130 nm/1.2 2.00E−03 0.6
UMTS 12.5 1.92E+06 16 5.20E−03 0.2

12.2 5.0E+06 16 1.36E−02 0.3
LTE 11.6 1.0E+07 12 2.02E−02 0.3

11.4 2.0E+07 5 3.47E−02 0.3

[290] GSM 13.8 1.0E+05 250 90 nm/1.2 3.40E−03 1.2
Bluetooth 12.5 5.0E+05 90 3.70E−03 0.6
UMTS 10.7 2.0E+06 20 6.80E−03 1

[291] GSM 12.7 1.0E+05 200 90 nm/1.2 4.60E−03 3.5
Bluetooth 11.3 5.0E+05 80 5.30E−03 2.1
GPS 11.6 1.0E+06 60 6.20E−03 1
UMTS 10.7 2.0E+06 30 8.00E−03 1.2
DVB-H 10.1 4.0E+06 15 8.00E−03 0.9
WiMAX 8.5 5.0E+06 12 1.10E−02 1.6
GSM 13.2 1.0E+05 256 4.90E−03 0.99

For the sake of clarity, and considering that reconfigurable ��Ms feature different performance
depending on their operating mode, the ICs in this table have been sorted by the year of publi-
cation.
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Table 5.13 State-of-the-art CT adaptive/reconfigurable ��Ms

Ref. Standard DR Bw OSR Tech./supply Power FOM
(bit) (Hz) voltage (V) (W) (pJ/conv)

[292] GSM 15 2.00E+05 64 180 nm/1.6,2.9 9.00E−03 0.69
Bluetooth 13.5 1.23E+06 32 8.20E−03 0.29
UMTS 12 3.84E+06 40 7.60E−03 0.24

[293] GSM 13.3 2.00E+05 65 90 nm/1.1,1.3 1.40E−03 0.35
Bluetooth 12.2 1.00E+06 100 3.40E−03 0.37
UMTS 8.3 1.00E+07 20 7.00E−03 1.07

[294] EDGE 14.3 1.35E+05 96 65 nm/2.5 2.60E−03 0.47
CDMA 13.3 6.15E+05 62 3.10E−03 0.25
UMTS 11.8 1.92E+06 40 3.70E−03 0.26

[295] WLAN 10 5.00E+06 32 90 nm/1.2 6.80E−03 0.24
DVB 11.3 4.00E+06 64 5.50E−03 0.27
UMTS 11.2 1.92E+06 64 4.34E−03 0.5
Bluetooth 12.5 1.00E+06 90 5.00E−03 0.85

11.2 1.00E+06 32 1.70E−02 3.7
10.83 2.30E+06 32 1.70E−02 1.94

[296] 10.88 5.00E+06 32 65 nm/1.2,2.5 1.70E−02 0.91
11.83 1.00E+06 64 1.70E−02 2.32
11.66 2.30E+06 64 1.70E−02 1.13
12.63 1.00E+06 128 1.70E−02 1.34
11.5 1.00E+06 64 8.00E−03 0.75
8.84 1.50E+07 7 1.05E−02 0.76
9.84 1.00E+07 10.4 1.05E−02 0.57

[297] 10.9 2.50E+06 20.8 65 nm/1.3 8.50E−03 0.74
10.2 5.00E+06 41.6 8.50E−03 1.04

GSM 13.32 2.00E+05 128 90 nm/1 2.80E−03 0.68
Bluetooth 12.33 5.00E+05 96 2.60E−03 0.5
UMTS 11.66 2.00E+06 32 3.60E−03 0.28

[298] DVB-H 11.16 4.00E+06 24 4.90E−03 0.27
WLAN 9.01 2.00E+07 16 8.50E−03 0.41

[299] 10.5 8.00E+06 25 0.18 μm/1.8 4.76E−02 0.81
9.11 1.60E+07 12.5 4.76E−02 1.29

[300] UMTS 9.7 1.92E+06 31 180 nm/1.8 8.90E−03 0.95
DVB 9.8 4.0E+06 25 1.21E−02 0.84

ICs are sorted by date of publication.
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Figure 5.1 DR-versus-Bw conversion region of state-of-the-art CMOS ��Ms.

in the tables of this chapter for the sake of simplicity–can be found in the spreadsheet
available on the Web.

5.1.1 DR-versus-Bw Conversion Region

Figure 5.1 represents DR versus Bw for the different families of ��Ms.2 It can be
noted in Figure 5.1 that a wide DR-versus-Bw conversion region is covered, ranging
over seven decades in frequency and 16 bit in the DR axis. The highest DR is 21 bit,
which was reported in 1994 by Kerth et al. who designed a fourth-order single-loop
single-bit SC-��M in a 3-μm CMOS technology which digitized 400-Hz signals for
seismic applications [48]. On the other hand, the highest value of Bw was reported by
Shibata et al. at ISSCC in February 2012. This chip consisted of a DC-to-1-GHz tunable
notch-frequency sixth-order multibit LP/BP CT-��M, implemented in a 65-nm CMOS
technology, achieving 12-bit DR within a 150 MHz signal bandwidth [239].

Figure 5.2 compares the conversion region achieved by the state-of-the-art ��Ms with
the one achieved by Nyquist-rate CMOS ADCs. The data in this figure was collected from
Murmann’s ADC survey [11], as well as from that used in Figure 5.1. It can be observed
from Figure 5.2 that �� ADCs dominate the state-of-the-art DR-versus-Bw front in
a wide frequency range: from hundreds of hertz to hundreds of megahertz. Beyond
this range, Nyquist-rate are more competitive, reporting state-of-the-art performance in

2 Some authors use to represent Bw versus DR or SNDR, often referred to as aperture plot [5, 10].
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Figure 5.2 Comparison of the DR-versus-Bw conversion region of ��M and Nyquist-rate ADCs.
In all cases, only CMOS ICs are considered.

high-frequency applications with signal bandwidths ranging from hundreds of megahertz
to dozens of gigahertz.

Analyzing the evolution over time of the Bw handled by ��Ms, it can be observed that
the tendency is toward extending their range of application, particularly increasing the
digitized signal bandwidth, although these designs—placed in the so-called technology
front—are sometimes less power efficient, as will be discussed later. Figure 5.3
represents the Bw reported by ��Ms over time of publication for the years 1990–2012.
It can be observed how ��Ms have evolved from low-frequency (high-resolution) to
high-frequency (medium-to-low resolution) applications. Note also that the range of Bw
is spread over time from two orders of magnitude to over six orders of magnitude. This
trend benefits from the technology downscaling and it is expected to continue in the
coming years.

5.1.2 Conversion Energy and Figures of Merit

Apart from their main specifications (DR (or SNDR) and Bw), the efficiency of ADCs
is quantified in terms of the power consumption required to achieve these specifications.
Taking all these ingredients into account, the amount of energy per converted sample
E—also referred to as conversion energy [5]—can be calculated as [5, 9],

E(J) ≡ Pw(W)

DOR (S/s)
(5.1)
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where Pw is the power consumption and DOR ≡ 2Bw represents the digital output rate
of the ADC, that is, the Nyquist rate, measured in samples per second (S/s).

Thus, it is common to analyze and graphically represent the efficiency of ADCs in the
form of plots of conversion energy versus DR or SNDR—also known as energy plots
[5, 10]. As an illustration, Figure 5.4 shows the energy plot of state-of-the-art ��Ms.
Note that, in order to compute the overall performance achieved by a given ��M, both
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magnitudes involved in Figure 5.4—that is, the conversion energy E and the resolution
(expressed in terms of either DR or SNDR)—must be taken into account. As expected,
there is a direct relationship between DR and E, so that the larger the resolution, the
more conversion energy is needed.

It is therefore convenient to express the trade-off highlighted in Figure 5.4 between the
conversion energy and DR in a single performance metric to quantify the performance of
a given ��M and to compare the performance of different ADC architectures. Such a
performance metric is often referred to as figure of merit (FOM), and accounts in a single
formula the three basic specifications of an ADC, namely effective resolution, signal
bandwidth, and power consumption.

Choosing the appropriate FOM is always a matter of debate and discussion. Among
others, the following expressions that relate E with ENOB have been most frequently
used for comparing the performance of ADCs [4, 102, 301]

FOM1|pJ/conv ≡ E(J)

2ENOB(bit)
• 1012 = Pw(W)

2ENOB(bit)
• DOR(S/s)

• 1012 (5.2)

FOM2 ≡ 2kT •
3 • 22 • ENOB(bit)

E(J)
= 2kT •

3 • 22 • ENOB(bit)
•DOR(S/s)

Pw(W)
(5.3)

where k is the Boltzmann constant and T is the chip temperature (measured in Kelvin).
Note that FOM1 emphasizes power consumption, whereas FOM2 emphasizes effective

resolution. Therefore, the smaller the FOM1 value and the larger the FOM2 value, the
“better” the ADC is. In this chapter, FOM1 has been selected because it has been the
most commonly used FOM in the recent years by the majority of the ��M community.
It should be noted that according to the definition of ENOB given in Equation 1.20, DR
was used for computing ENOB and consequently for the value of FOM1 as shown in
Tables 5.1–5.13. However, in those ��M ICs presenting a strongly nonlinear behavior,
the effective resolution (i.e., ENOB) is indeed limited by the peak SNDR, as stated in
Chapter 1 and hence, its corresponding FOM1 is worse than the one shown in the tables.
However, the purpose of this chapter is to analyze the overall performance and trends of
�� ADCs, instead of the specifications achieved by a particular design. From this per-
spective, and considering that not all authors reported all data required to compute FOM1,
the analysis was based on expressions of FOM1 derived from DR, instead of from SNDR.

Thus, following an approach similar to that proposed by Murmann [5], the results
reported by state-of-the-art performance ��Ms are compared in Figure 5.4 with
two straight lines for the numerical examples of FOM1 =100 fJ/conversion-step and
10 fJ/conversion-step. Note that the majority of ��Ms reaching the lowest values of
FOM1 are placed between both lines and correspond to CT circuit implementations,
showing the best efficiency of these kinds of ��Ms for resolutions in the order of
11–15-bit DR within 1–100 MHz bandwidths, as will be discussed later in this chapter.

Figure 5.5 represents FOM1 versus Bw for the different ��M architectures included
in Tables 5.1–5.13. It can be seen how CT-��Ms obtain better performance than SC-
��Ms for Bw > 1 MHz, while SC-��Ms are more efficient for lower values of Bw. In
terms of architectures, it can be noted how LP-��Ms obtain better values of FOM1 than
BP-��Ms. This is due to the fact that CT BP-��Ms digitize signals placed at a notch
frequency fn, which in the majority of cases is in the order of hundreds of megahertz
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and even in the gigahertz range (Table 5.9). However, this parameter is not considered in
FOM1, which penalizes its performance compared to LP-��Ms as will be discussed later.

Figure 5.6 compares the value of FOM1 achieved by state-of-the-art ��Ms with that
achieved by Nyquist-rate ADCs. Note that ��Ms show a competitive performance in a
wide range of Bw, from hundreds of hertz to hundreds of megahertz. Only SAR ADCs
achieve lower values of FOM1 within the interval 10 kHz < Bw < 10 MHz. Pipeline
ADCs are the best choice for those applications with 100 MHz < Bw < 1 GHz, whereas
flash ADCs dominate for Bw > 1 GHz.

In terms of conversion energy, (as illustrated in Figure 5.7), �� ADCs are more
efficient than SAR and pipeline ADCs for applications requiring DR > 12 bit, while SAR
ADCs require the lowest conversion energy within the 8–12-bit resolution interval.

5.2 Empirical and Statistical Analysis of State-of-the-Art ��Ms

Analyzing in detail the data included in Tables 5.1–5.13, a number of interesting conclu-
sions can be drawn. This section aims to identify practical pieces of information that can
be used as guidelines for designers to make a better decision on the best architecture and
circuit technique for a given set of specifications.

5.2.1 SC versus CT State-of-the-Art ��Ms

Although SC circuit technique has been traditionally used in most reported ��Ms,
more and more ICs are being implemented using CT circuits, especially in those
applications targeting broadband signals and/or requiring low power consumption.
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Overall, approximately 57% of ��M ICs included in this survey are implemented using
SC circuits, whereas 43% of them are CT-��Ms. However, as illustrated in Figure 5.8,
there is a tendency, in recent years, to use CT techniques. This trend is expected to
continue as this kind of ��Ms will benefit from the technology downscaling process
and the increase in transition frequency. Indeed, the decrease in voltage supplies (and
consequently the voltage headroom) together with the increasing use of digital signal
processing and calibration techniques are favoring the implementation of CT-��Ms in
nanometer CMOS processes, increasing their operating frequency more and more [10].

Figure 5.9a represents the aperture plot [5] (i.e., Bw vs DR) corresponding to the
state-of-the-art SC- and CT-��Ms. Note that two state-of-the-art fronts (highlighted in
the figure) can be clearly identified. One front—dominated by CT-��Ms—goes from
approximately 10-bit to 14-bit DR, covering a Bw range from 10 to 150 MHz. The other
front—covered by SC-��Ms—goes from 14-bit to 21-bit DR with Bw ranging from
400 Hz to 2 MHz. Therefore, as could be logically expected, it can be empirically deduced
from these results that CT-��Ms are more suitable for medium-resolution (10–14 bit)
and medium–high bandwidths (10–100 MHz), whereas SC-��Ms are more appropriate
for applications requiring high-resolutions (15–20 bit) within low-medium bandwidths
(100 Hz–1 MHz).

The resolution-versus-bandwidth regions covered by the state-of-the-art fronts drawn
in Figure 5.9a define the application areas where SC- and CT-��Ms are more efficient.
This is illustrated in Figure 5.9b, where the energy plot is compared for both circuit
techniques. Overall, it can be concluded that CT-��Ms are more efficient than SC-��Ms
for Bw > 1MHz.

5.2.2 Gm-C versus Active-RC State-of-the-Art CT-��Ms

As already discussed in this book, CT-��Ms can be implemented using either active-
RC or Gm-C integrators. Active-RC integrators have the advantages of better linearity
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and larger signal swing, whereas Gm-C integrators are potentially faster with less power
consumption, at the price of reducing their linearity as compared to active-RC integrators
[302]. In practice, the majority of state-of-the-art CT-��Ms have been implemented
using active-RC integrators. Sometimes an active-RC front-end integrator is chosen for
its better linearity, whereas the rest integrators of the ��M loop-filter are of Gm-C type.
This is the most common situation in LP-��Ms, while most BP-��Ms operating at
notch frequencies in the order of hundreds of megahertz or in the gigahertz band, have
been implemented using either Gm-C or Gm-LC integrators.

Figure 5.10a illustrates the conversion region covered by the different CT circuit tech-
niques by showing the aperture plot of state-of-the-art CT-��Ms. For the sake of clarity,
the different families of CT-��Ms have been organized into three categories: Gm-C,
active-RC, and active-RC/Gm-C. The latter assumes that only the front-end integrator is
active-RC while the remaining ones in the modulator chain are implemented using Gm-C
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techniques. It can be noted that the state-of-the-art front (highlighted in the figure) is
dominated by active-RC implementations.

In terms of FOM1, active-RC CT-��Ms have demonstrated to be more efficient than
Gm-C implementations, as illustrated in Figure 5.10b. It can be shown how active-RC
��Ms obtain lower values of FOM1 in a wide range of Bw—from 100 kHz to almost
100 MHz.

5.2.3 Technology Used in State-of-the-Art ��Ms

A variety of CMOS processes can be distinguished in Tables 5.1–5.13. These technologies
have been used in the last 20 years by state-of-the-art ��Ms—going from micrometer
CMOS (3-μm technology node) down to nanometer processes (40 nm). Supply voltages
have scaled down with technology evolution from >6.5 to 0.5 V. As an illustration,
Figure 5.11 shows an histogram of the CMOS technologies employed by the ��Ms
considered in this survey. Note that 180-nm CMOS process has been the technology node
most commonly employed in recent years, mainly using a single 1.8-V supply voltage.

As discussed in Section 5.1.1, ��Ms have demonstrated state-of-the-art performance
in many diverse processes, taking advantage of the technology downscaling to create the
conditions to increase their conversion region. This is illustrated in Figure 5.12, where
FOM1 is represented over the technology node. Note that the minimum value of FOM1
achieved by ��Ms decreases with the technology downscaling, reaching the lowest values
for 180-nm CMOS processes.

5.2.4 Single-Loop versus Cascade State-of-the-Art ��Ms

Single-loop architectures have been more used than cascade topologies. Overall, approx-
imately 80% of the state-of-the-art ��M ICs considered in this survey are single-
loop topologies, whereas only 20% of them are cascades. The latter have been mainly
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implemented using SC circuits, although recent synthesis methods are making the imple-
mentation of CT cascade ICs possible.

In terms of the loop-filter order of single-loop architectures, the second-order topology
was the most used by SC-��Ms, in 46% of single-bit architectures and 51% of multibit
topologies (Tables 5.1 and 5.2). In the case of CT implementations, third- and fourth-order
topologies were preferred by single-bit topologies, in 39 and 28% of cases, respectively
(Table 5.6). In the case of multibit implementations, loop-filter orders higher than three
were implemented in 83% of ICs, taking advantage of the better stability properties of
high-order (> 3) implementations with multibit quantization.

As far as the cascade topologies are concerned (Tables 5.3, 5.4, and 5.8), the majority
of implementations used a fourth-order loop-filter with two stages in a 2-2 configuration
or three stages in a 2-1-1 configuration. Third-order 2-1 implementations are also used
by SC cascades in 22% of cases, as shown in Tables 5.3 and 5.4.

Figure 5.13 compares the aperture plot of single-loop and cascade state-of-the-art
��Ms. It is noted how single-loop dominates almost all ranges of applications from
low-bandwidth high-resolution to broadband low-medium resolution. However, as dis-
cussed in Section 5.3.1, enhanced techniques are improving the performance of cascade
architectures, which may be very suited to implement reconfigurable/adaptive ADCs, thus
taking advantage of the very modular nature of the cascade topology.

5.2.5 Single-Bit versus Multibit State-of-the-Art ��Ms

Multibit quantization is in general more employed than single-bit quantization. The major-
ity of cascade topologies include dual quantization with a multibit quantizer in the last
stage in order to attenuate the impact of the nonlinearity of the feedback DAC. How-
ever, increasingly more cascade ICs are including internal quantizers with B ranging from
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2 to 5 bit in all stages combined with proper linearization techniques. In addition, a num-
ber of ��M ICs are including trilevel quantizers to benefit from the extra level provided
by fully differential circuit implementation of the embedded flash ADCs, while keeping
an inherent linear behavior of the feedback DAC.

In terms of conversion energy, there are more single-bit ��Ms than multibit ��Ms
achieving a FOM1 < 100 fJ/conversion-step, as illustrated in the energy plot shown in
Figure 5.14a. Although multibit implementations can also achieve a good efficiency for
resolutions in the order of 12–16 bit, there are more single-bit solutions reaching state-
of-the-art performance within this range.

Figure 5.14b compares the aperture plot of single-bit and multibit ��Ms. It is shown
how multibit modulators dominate the state-of-the-art fronts except for those applications
with resolutions over 20 bit within signal bandwidths below 1 kHz. Indeed, a number
of CT-��Ms intended for broadband communications use multibit quantization. Apart
from the obvious benefits in terms of the increased number of bits, multibit quantiza-
tion (and NRZ DAC) is also appealing in practice for its lower sensitivity to clock jitter
error, as discussed in Chapter 2. However, the price to pay for using multibit quantiza-
tion is the inherent nonlinear operation of the multibit feedback DAC, what forces using
linearization techniques, with the subsequent penalty in power consumption, speed limi-
tation, and circuit complexity. To address this problem, some authors propose the use of
alternative implementations of the modulator feedback waveforms—such as DACs with
finite impulsive response (FIR) [154, 161]—to reduce the sensitivity to clock jitter and
to relax the ��M loop-filter linearity specifications, giving rise to a more competitive
performance.
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5.2.6 Low-Pass versus Band-Pass State-of-the-Art ��Ms

As stated in Section 5.1.2, LP-��Ms obtain better performance in terms of FOM1 than
BP-��Ms. This is better illustrated in Figure 5.15, which compares FOM1 of LP- and
BP-��Ms. Figure 5.16a shows the aperture plot of LP- and BP-��Ms. Note that the
state-of-the-art front is dominated by LP-��Ms, although the highest values of Bw have
been reached by BP-��Ms.

Comparing the energy plot of both types of ��Ms, it can be shown that LP-��Ms
consume less energy per conversion-step than BP-��Ms, as illustrated in Figure 5.16b,
where all ��Ms with FOM1 < 100 fJ/conversion-step are of LP type. However, it should
be noted that FOM1 might not be adequate for quantifying the efficiency of BP-��Ms,
because Bw may not always be representative of the operating frequency of the modulator.
For instance, looking at Table 5.9, it can be noted that there are several ICs digitizing
signals with Bw in the order of 10–20 MHz but placed at center (notch) frequencies in
the order of gigahertz. For that reason some authors propose alternative FOMs such as
the following one [303]:

FOMBP|pJ/conv ≡ Pw(W)

2ENOB(bit)
• (fn + Bw

2 )
• 1012 (5.4)

which takes into account not only Bw, but also the notch frequency fn. As illustrated
in Figure 5.15, the use of FOMBP increases the number of state-of-the-art performance
BP-��Ms, although the comparison may be not fair in this case for LP-��Ms.

Figure 5.16c compares the performance of LP- and BP-��Ms, based on the following
FOM proposed by Schreier and Temes [2]:

FOM3|dB ≡ SNDR(dB) + 10 log10[Bw(Hz)/Pw(W)] (5.5)

To be consistent with the rest of the FOMs considered in this chapter, SNDR is replaced
with DR in the above expression. Note that FOM3 increases its value for better performing
designs. The horizontal dashed line in Figure 5.16c was called the architecture front



300 CMOS Sigma-Delta Converters

1.E+02

1.E+01

1.E+03

1.E+04

1.E+05

1.E+06

1.E+07

1.E+08

1.E+09

42 6 8 10 12 14 16 18 20 22

DR (bit)

4 6 8 10 12 14 16 18 20 22

DR (bit)

Low pass Band pass

Lowpass

Bandpass

(a)

100

110

120

130

140

150

160

170

180
FO

M
3 

(d
B

)

1.E+01 1.E+02 1.E+03 1.E+04 1.E+05 1.E+06 1.E+07 1.E+08 1.E+09

Architecture front
Technology

front

Low pass

Band pass

1.E−11

1.E−10

1.E−09

1.E−08

1.E−07

1.E−06

1.E−05

1.E−04

E
 (

J)

FOM = 100 fJ/conv-step

FOM = 10 fJ/conv-step

(b) (c)

B
w

 (
H

z)

Bw (Hz)

Figure 5.16 LP-��Ms versus BP-��Ms: (a) aperture plot, (b) energy plot, and (c) FOM3
versus Bw.

by Schreier and Temes, while the vertical front is named technology front. The former
is absolutely dominated by LP-��Ms, while the most advanced architectures in the
technology front are BP-��M topologies. The latter push the technology process to its
limits in terms of digitized signal bandwidth and sampling frequency, at the price of
being less efficient in terms of power dissipation. As discussed in the next section, the
new generations of BP-��Ms are taking advantage of technology downscaling to push
��Ms forward in terms of speed and efficiency.

5.3 Cutting-Edge ��M Architectures and Techniques

To conclude this survey, this section presents a review of some of the most relevant
cutting-edge ��M topologies that are in the frontiers of the ��M designs, identi-
fying their most significant trends, challenges, and practical solutions. The following
architecture/circuit techniques are overviewed:

• Sturdy MASH (SMASH) architectures
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• Hybrid ��M architectures, including ��M-Nyquist ADCs, active–passive CT-��Ms,
CT/DT circuit implementations

• Multirate ��Ms
• Multibit ��Ms with time-coded quantization
• ��Ms implemented with digital-based circuit techniques
• Adaptive/reconfigurable ��Ms
• Ultra-high-speed ��Ms for RF digitization.

A detailed explanation of the aforementioned ��Ms is beyond the scope of this book.
Instead, this section provides an overview of their most significant features, with emphasis
on their advantages/drawbacks, design trends, and challenges.

5.3.1 SMASH ��M Architectures

One of the main limitations of cascade ��Ms is their higher sensitivity to mismatch
than their single-loop counterparts. This may explain why a vast majority of state-of-
the-art ��M ICs (∼80%) were implemented using single-loop architectures as stated in
Section 5.2.4. This limitation has motivated �� designers to look for alternative imple-
mentations of cascade ��Ms that reduce the sensitivity to noise leakages.

An interesting alternative cascade �� topology is the so-called Sturdy MASH
(SMASH) [304, 305]. The main idea behind this kind of cascade ��Ms consists of
replacing the DCL by the own analog processing provided by the loop-filter integrators
together with an additional interstage digital feedback path. As a result, the modulator
output can be obtained from a direct digital addition (or subtraction) operation of the
different stage outputs in the cascade, with no need for a DCL as in conventional
cascades, and the subsequent elimination of matching requirements between the analog
and the digital filtering.

Figure 5.17 shows the conceptual block diagram of a two-stage SMASH ��M.3

Assuming a linear model for the embedded quantizers, the Z-transform of the modulator
output can be written as [305],

Y (z) = STF1(z)X(z) + NTF1(z)[1 − STF2(z)]E1(z) − NTF1(z)NTF2(z)E2(z) (5.6)

where NTFi and STFi represent the NTF and STF of the ith stage in the cascade, respec-
tively. Note that the overall NTF of the cascade modulator—that is, the NTF filtering
the second-stage quantization error E2(z)—is the same as that of a conventional cascade
��M. However, the first-stage quantization error is not completely canceled. Instead, it
is filtered by NTF1(z)[1 − STF2(z)].

Figure 5.18 illustrates how to implement the concept of SMASH ��Ms in a
fourth-order 2-2 topology [305]. Note that the DCL is replaced by direct feedback paths
from the output of the second stage to the input of the first stage, although an additional
feedback DAC is required. Analyzing Figure 5.18 considering linear models for the
quantizers, it is easy to show that the Z-transform of the modulator output is given by:

Y (z) = z−2X(z) + (1 − z−1)4E1(z) − (1 − z−1)4E2(z) (5.7)

3 The concept of SMASH ��Ms has been also applied to multistage cascade architectures [306].
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Note from the above expression that a fourth-order high-pass filtering is obtained
for both E1(z) and E2(z). In this case, STF2(z) = 2z−1 − z−2, which according to
Equation 5.6, does not give a complete cancelation of E1(z). However, E1(z) can be
ideally canceled if STF2 = 1, that is, if unity STF (USTF) [307, 308] is implemented in
the second stage of the SMASH topology. Indeed, the performance of SMASH ��Ms
can be notably improved if USTF is used in all stages of the modulator, as proposed
in [288]. As stated in Chapter 1, the main advantage of using USTF is that integrators
ideally process quantization error only and hence, their output swing can be reduced
and the tolerance to amplifiers nonlinearities is increased. However, one of the main
drawbacks of applying USTF to CT-��Ms is that the resulting modulators do feature a
worse implicit AAF function.

Figure 5.19 shows a ��M architecture that extends the underlying principle of SMASH
��Ms to the implementation of USTF in both stages, thus taking advantage of both
strategies (SMASH and USTF) to achieve higher resolution in wideband applications
with lower values of OSR. In this example, the Z-transform of the modulator output is
given by:

Y (z) = X(z) − 1

d
(1 − z−1)4E2(z) (5.8)

Note that contrary to conventional SMASH ��Ms, the quantization error in the front-
end stage is ideally canceled, while avoiding any digital filtering. In addition, the use of
a scaling factor d (which is usually implemented as a power of 2) will further reduce
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Figure 5.19 SMASH ��M with USTF proposed in [288].
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the in-band noise power of the second-stage quantization error at the output. Moreover,
using USTF in both stages of the modulator allows relaxing of the output swing and gain
demands in the amplifiers, while keeping a better sensitivity to mismatch than simple
SMASH and cascade topologies. However, the price to pay is that a front-end DAC with
a full scale larger than that of the quantizers in the cascade (with resolutions B1 and B2)
is required to account for the summation of the digital outputs of the stages. Nevertheless,
the location of the digital adder helps increase considerably the robustness to capacitor
mismatches as demonstrated in [288].

5.3.2 Hybrid ��Ms

An interesting approach in the design of high-performance ��Ms consists of using hybrid
circuit and/or architecture techniques to improve the efficiency of the digitization as
compared to conventional ��Ms. The term hybrid is used here to denote those kinds of
��Ms that are not, strictly speaking, pure ��Ms, according to the classification criteria
given in Chapter 1. Thus, several categories of hybrid ��Ms (H-��Ms)—some of them
listed in Table 5.11—have reported state-of-the-art performance.

Hybrid ��M-Nyquist ADCs

A first category of H-��M architectures is that which results from combining a Nyquist-
rate ADC—usually a pipeline, SAR, or cyclic ADC—and a ��M [216, 228, 272, 273,
280, 286]. In the majority of cases, the basic strategy followed in this kind of H-��Ms
consists of replacing the embedded multibit flash ADC with another kind of Nyquist-rate
ADC architecture, namely pipeline [280, 286], two-step [273], SAR [216], or cyclic [228,
272]. Essentially, the main advantage of this strategy is to provide a way of increasing
the number of levels of the internal quantizer without the prohibitive exponential growth
of the power consumption and silicon area of flash ADCs.

The idea of hybrid ��M-Nyquist ADCs has been implemented in both single-loop
and cascade architectures, featuring a competitive performance in different application
scenarios. As an illustration, Figure 5.20 shows the conceptual block diagram of one of
the first reported hybrid ��M-Nyquist ICs, which consists of in a cascade of a 5-bit
second-order ��M and a 12-bit fourth-stage pipeline ADC [286].

One of the main inconveniences of combining ��Ms and Nyquist-rate ADCs is that
as the number of bits of the Nyquist-rate subADC increases; the circuit complexity,
sensitivity to circuit errors, and latency increases as well, with the risk of losing the
benefits provided by ��Ms in terms of system simplicity and robustness against cir-
cuit nonidealities. Therefore, although very competitive performance can be achieved by
replacing multibit flash ADCs with other alternative Nyquist-rate ADCs, the mentioned
design trade-offs have motivated ��M designers to explore alternative implementations
to conventional multibit quantization, as discussed in Section 5.3.4.

Hybrid Active/Passive ��Ms

Another kind of H-��Ms corresponds to a family of CT-��Ms in which the loop filter
is implemented by hybrid active–passive circuit elements. Thus, part of the loop-filter
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integrators (resonators in the case of BP-��Ms) are implemented as passive-RC networks,
while others are implemented as active-RC or Gm-C circuits. The motivation for using
this approach is to reduce the number of OTAs and hence reduce the power dissipation,
as OTAs are the circuit blocks that consume most of the power in a ��M. As already
discussed in this book, the design issues associated with loop-filter OTAs aggravate in
nanometer CMOS technologies with reduced supply voltage, and particularly in wideband
applications where the dynamic requirements of the operational amplifiers yield in many
cases to very power-hungry circuit solutions.

In this scenario, replacing some active integrators with passive-RC networks in the
��M loop-filter results in a more efficient solution. Apart from the power saving,
integrated passive-RC networks have better linearity than their active counterparts.
However, the main limitation of using passive integrators is that they do not provide
any gain that makes the loop filter more sensitive to their error mechanisms. This
limitation can be partially palliated if the active integrators are used at the front-end
of the modulator, so that the effect of thermal noise of the passive-RC networks
and other circuit nonideal effects can be reduced by the preceding active integrators.
Figure 5.21 shows an example proposed by Song et al. in [275]. The modulator
architecture—consisting of a fifth-order single-loop architecture—uses five integrators,
two of them implemented by passive-RC networks. These passive integrators are placed
in the second and fourth positions of the modulator chain, so that their nonideal effects
can be attenuated by the gain of active integrators.

Prompted by the above mentioned potential benefits, passive-RC networks are becom-
ing a popular circuit solution for the implementation of low-power wideband CT-��Ms.
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A good example is the fourth-order BP-��M reported by Chae et al. [236], which digi-
tizes 24-MHz band-pass signals located at 200 MHz with 58-dB SNDR while consuming
12 mW. This circuit is implemented by using single-opamp high-Q resonators that incor-
porate positive feedback to achieve high Q and are implemented by combining an active
LPF and a passive HPF. Another interesting example was proposed by Srinivasan et al.
[161], who reported a third-order CT-��M made up of a front-end passive-RC inte-
grator followed by two Gm-C integrators. The chip—fabricated in a 45-nm CMOS
technology—digitizes 60-MHz signals with 61-dB SNDR and 20 mW power consump-
tion, while clocked at 6 GHz—one of the highest clock frequencies reported by ��M ICs
to date. This trend is expected to continue, with the demand for higher and higher data
rates and the technology downscaling, which will facilitate the integration of high-quality
passive devices together with conventional active circuits.

Hybrid CT/DT ��Ms

The third category of H-��Ms included in Table 5.11 corresponds to those ��Ms in
which the loop filter is implemented by both SC and CT integrators, thus taking advan-
tage of both circuit techniques. As shown earlier in this chapter, CT-��Ms operate at
faster rates than their SC counterparts with relatively lower power dissipation. How-
ever, CT-��Ms are more sensitive than SC-��Ms to some circuit and architecture error
mechanisms, such as circuit-element tolerances, excess loop delay, and clock jitter error.

Some authors have tried to circumvent the mentioned limitations of CT-��Ms by using
the so-called hybrid CT/DT ��Ms, in which some parts of the loop filter—usually the
front-end building blocks—are implemented using CT circuits, thus providing potentially
faster operation and embedded antialiasing filtering with reduced power consumption
[279, 281–283, 294, 309, 310]. Thus, hybrid CT/DT ��Ms have been demonstrated
using both single-loop [281, 283] and cascade ICs [279]. The most common situation in
practice consists of using a CT front-end integrator, whereas the remaining integrators



Frontiers of �� Modulators: Trends and Challenges 307

x
y1

y

y2

k3

DT stage

CT stage

k1 k2

k

g

DCL

H (s) H (s)

H (z)

fs

fsfs

CT integrator CT integrator

DT integ.

ADC1

ADC2

DAC1

DCL1

DCL2

DAC2

Figure 5.22 Example of the hybrid CT/DT cascade ��Ms reported in [279].

in the modulator loop are implemented using SC circuit techniques. As an illustration,
Figure 5.22 shows one of the first practical implementations of a hybrid CT/DT cascade
��M, proposed in [279]. This modulator is a cascade of a second-order (active-RC)
CT-��M stage with a first-order SC stage, considering 4-bit quantization in both stages.

In spite of the mentioned advantages, reported hybrid CT/DT ��M ICs do not really
exploit the potential capability of CT circuits integrated in CMOS processes to operate
up to the gigahertz range with reasonable linearity. This is partially due to the fact that
the maximum sampling rate of hybrid CT/DT ��Ms is indeed limited by the SC part
of the modulator loop filter. A possible solution to alleviate this restriction could be using
the so-called multirating, as described in the next section.

5.3.3 Multirate ��Ms

The so-called multirate (MR) ��Ms are a particular kind of ��Ms in which a different
sampling frequency is used at different parts of the modulator. The most common approach
is based on using a lower sampling frequency in the building blocks placed at the front-
end of the modulator—where most of the power is consumed—and a higher sampling rate
in the subsequent subcircuits, where the dynamic requirements can be relaxed [311]. This
concept can be applied to either single-loop or cascade architectures and implemented
using SC [311] and CT circuits [312]. Without loss of generality, this section focuses
on cascade implementations because the modular nature of these topologies makes the
implementation of MR-��Ms more simple and robust. However, similar considerations
can be derived for single-loop MR-��M topologies.
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Upsampling Cascade MR-��Ms

Figure 5.23a shows the conceptual implementation of a conventional cascade (two-stage)
MR-��M. 4 For the sake of generality, multibit quantization will be assumed in all stages
of the cascade, with Bi being the number of bits of the internal quantizer in the ith stage.
The sampling frequency fsi of the different modulator blocks is depicted in the figure. The
most common situation in conventional MR-��Ms is that the front-end stage operates
at fs1, whereas the remaining ith stages are sampled at fsi > fs1. This approach—also
referred to as upsampling MR-��M [313]—benefits from increasing values of OSR in
the back-end stages—where the dynamic requirements are less demanding than in the
front-end stages [311, 312, 314].

The operation behind the modulator in Figure 5.23a is conceptually the same as in a
conventional monorate cascade ��M. All stage outputs are combined by the DCL transfer
functions—clocked at fs2—so that ideally only the quantization error of the last stage
remains and it is shaped by an NTF whose order (L) is the sum of the orders of all stages
in the cascade (Li). However, as a consequence of using several sampling frequencies,
additional upsampler blocks—represented conceptually in Figure 5.23a—are required.

Assuming that STFi(z) = z−Li and NTFi(z) = (1 − z−1)Li , and defining DCLi(z) so
that DCL1(z) = STF2(z) and DCL2(z) = NTF1(z

r), it can be shown that the IBN power
at the output of the modulator is approximately given by 5

IBNUSMR � �2

12

π2L

(2L + 1)OSR2L+1
1 r2(L−L1)+1

(5.9)

where r ≡ fs2/fs1, � represents the quantization step of the last quantizer, and OSR1 ≡
fs1/(2Bw) [313].

4 For the sake of simplicity, two-stage cascade architectures are discussed in this section without loss of generality.
This analysis can be extended to N -stage cascade MR-��Ms as shown in [313].
5 Subscript USMR is used for noting UpSampling MultiRate in order to differentiate from the downsampling
multirate (DSMR) concept discussed later in this section.
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Hybrid CT/DT Cascade MR-��Ms

The concept of MR-��Ms can be extended to hybrid CT/DT implementations as con-
ceptually depicted in Figure 5.23b, that represents a cascade two-stage MR H-��M. The
circuit nature (either CT or DT) of the different modulator blocks as well as their corre-
sponding sampling frequencies are highlighted. The use of a complete CT stage (instead
of just the front-end integrator for instance) maximizes the embedded AAF, while taking
advantage of the relaxed dynamic requirements of the front-end CT circuits as compared
to their DT counterparts [279].

The analysis of Figure 5.23b can be carried out by applying a DT–CT transformation
to the front-end stage of Figure 5.23b. The resulting MR H-��M is equivalent to the
original MR DT-��M. As stated in Chapter 1, this CT–DT equivalence can be guaranteed
because of the DT nature of the (open) loop transfer function from the front-end quantizer
output to the sampled quantizer input [315, 316]. This way, considering this CT–DT
equivalence and assuming a linear model for the quantizers, it can be shown that the IBN
of the modulator in Figure 5.23b is also given by Equation 5.9.

Downsampling Hybrid CT/DT Cascade MR-��Ms

Using lower values of the OSR in the front-end CT stage of Figure 5.23b may be beneficial
when the subsequent SC stages can operate at high enough values of OSR. However, the
use of high values of OSR in the back-end stages is not practical when digitizing wideband
signals, for instance in the order of 10–100 MHz. In these cases, sampling rates in the
order of gigahertz may be necessary to digitize such signals with low-medium effective
resolutions (8–10 bit). Therefore, the use of back-end SC stages may be not feasible
because of the prohibitive values of GB required for the operational amplifiers.

The mentioned problems can be alleviated if the concept of multirating is redefined
just in the opposite way as it was conceived, that is, going from an upsampling MR
system—in which the front-end stage rate is increased in the subsequent stages—to a
downsampling MR system—in which the front-end (CT) stage operates at the highest
rate, thus benefiting from their potentially faster operation [313].

Figure 5.24 shows a conceptual block diagram of a downsampling (two-stage) cascade
MR H-��M architecture proposed in [313]. In contrast to conventional (upsampling)
MR H-��Ms, the back-end (DT) stage operates at a rate lower than that of the front-end
(CT) stage, that is, fs2 < fs1. The main drawback of this approach is the aliasing caused
by the downsampling processing, which requires using an interstage AAF. However, as
shown in [313], the operation of the AAF can be completely translated to digital domain
by using two additional digital blocks of the transfer functions which are named H1(z)

and H2(z). In this way, Figure 5.24 has the same number of analog building blocks as a
conventional cascade ��M.

Therefore, the operation behind the modulator in Figure 5.24 is essentially the same as
in conventional cascade ��Ms. The main difference is that the DCL transfer functions
are designed so that they must remove not only the quantization error of the front-end
stage E1(z), but also its aliased components. To this purpose, H1(z) and H2(z) must be
reconfigurable and programmable according to the value of the downsampling ratio (p ≡
fs1/fs2 > 1). These functions are completely implemented in the digital domain, without
any extra analog hardware required, and can be easily synthesized for different values of
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p as detailed in [313]. As a consequence, the resulting MR-��Ms are potentially faster,
less sensitive to circuit error mechanisms, and more power efficient than conventional
upsampling MR architectures.

Compared to single-rate cascade pure CT-��Ms, downsampling MR H-��Ms may
be less power efficient if the same specifications are required. However, under such
conditions, downsampling MR H-��Ms becomes less demanding in terms of some circuit
nonidealities such as finite DC gain and circuit-element tolerances, as demonstrated in
[313].

5.3.4 Multibit ��Ms with Time-Coded Quantization

In addition to increasing the bandwidth of digitized signals, significant efforts have been
carried out in recent years to improve the performance of the embedded multibit quantizers
used in most state-of-the-art ��Ms. As already discussed in different parts of this book,
multibit quantizers are usually implemented by flash ADCs, which are generically made
up of a resistive ladder and a bank of comparators. As already mentioned, the number
of comparators increases exponentially with the number of bits B, with the subsequent
penalty in silicon area and power dissipation.

An alternative technique to reduce the number of comparators is based on the so-
called tracking quantizer [199] that uses a counter and a switching matrix to connect the
reference voltage to the comparators inputs according to the value of the quantizer input
ranges. However, although the power consumption is reduced, the efficient implementation
of conventional multibit quantizers based on flash architectures is becoming a design
challenge because of the reduction in voltage supplies associated with CMOS technology
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downscaling. As a consequence, the dynamic range may become severely degraded by
the effect of comparator offset and hysteresis [317].

The mentioned problems have motivated the exploration of alternative circuit imple-
mentations of multibit quantizers embedded in ��Ms. The majority of these techniques
are based on changing the concept of signal quantization, going from an amplitude cod-
ing to a time coding. The main benefit of this approach is that the resulting quantization
methods are more suited for the implementation in low-voltage (<1 V) nanometer CMOS
processes [318], although special care must be taken in terms of those errors that are
directly related to the timing, such as clock jitter error in CT-��Ms.

Figure 5.25 shows the conceptual block diagram of the three basic alternative
approaches for the implementation of time-coded quantizers which have been success-
fully reported in state-of-the-art ��M ICs, some of them listed in Table 5.10. The
first one—depicted in Figure 5.25a—consists of using a voltage-controlled oscillator
(VCO) instead of a multibit quantizer [259–262, 265]. The idea is based on translating
the quantized information in the amplitude domain to the time domain by means of a
voltage-to-frequency conversion that can be performed by a VCO circuit as proposed
in [265]. The principle of operation behind this approach is based on the use of a ring
oscillator to count the number of edges within a given time period. The result is directly
related to the input signal, thus obtaining a digital representation of the input amplitude.

The main limitation of VCO-based quantization is the inherent nonlinear operation
associated with the voltage-to-frequency conversion implemented in the VCO. This lim-
iting factor can be mitigated by using a phase detector instead of a frequency detector as
proposed in [259], which provides also a first-order noise shaping. Alternatively, VCO-
based quantizers can be embedded in the back-end stage of a cascade ��M, such that
their nonlinearities are attenuated by the noise shaping of precedent stages in the cascade.
An interesting implementation of this idea, proposed by Asl et al. [261], consists of a
two-stage cascade upsampling MR ��M, in which the back-end stage (operating at a
higher rate) is implemented by a VCO-based quantizer, thus benefiting from its potentially
higher operation speed without being penalized by its intrinsic nonlinearity.

An alternative to VCO-based quantizers consists of using pulse-width modulation
(PWM) [209], as conceptually depicted in Figure 5.25b. The PWM block converts the
voltage at the output of the loop filter into a pulse p(t) with corresponding width and
a time-to-digital converter (TDC) generates digital codes that are discrete representa-
tions of the edges of the p(t) signal, that is, a time-quantized representation. One of
the main limitations of PWM-based quantizers is their limited dynamic range [317]. It
can be enhanced by using the so-called time-enconding quantizer (TEQ) as illustrated in
Figure 5.25c [171]. Essentially, the idea underlying TEQ-based ��Ms consists of using
a modulator (a CT-��M in the figure) whose loop filter is split into two loops, one of
which is made to oscillate, thus providing an independent control of the oscillation as a
difference with PWM-based quantization schemes [187].

5.3.5 Mostly Digital ��Ms

Time-to-digital conversion techniques have not only been used for replacing embedded
flash ADCs, but also for the main building blocks of a ��M. A good example of using
voltage-controlled ring oscillators as an essential part of ��Ms was proposed by Taylor
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and Galton in [264]. The proposed modulator—mostly implemented by digital circuit
techniques—consists of a digitally background-calibrated voltage-controlled ring oscillator
(VCRO), in which its inverters are sampled at the required output sample-rate without
containing any analog integrators, comparators, or feedback DACs. The main advantage
of this approach is that as the ��M is essentially implemented by digital circuits, it may
benefit from the CMOS technology downscaling in terms of speed, with the subsequent
advantages for low-voltage low-power wideband applications. Moreover, the operation of
VCRO-based ��Ms essentially depends on the speed of its digital blocks, thus trading
accuracy for signal processing. The main limitation of this approach is its higher sensitivity
to timing errors, such as clock jitter error and the aforementioned nonlinear behavior of
VCOs. These problems are overcome in [264] by using digital background calibration
and self-canceling dither techniques, yielding to state-of-the-art results.
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Figure 5.26 Example of the inverter-based second-order single-loop ��M proposed in [12]: (a)
block diagram and (b) conceptual single-ended schematic.

Apart from the mentioned time-coded circuit techniques, there have been some other
approaches to digitize ��M loop filters: by replacing their critical analog building
block—essentially the OTAs—with alternative digital-based solutions. This is the case
of the comparator-based [36] and inverter-based [12, 276] integrators used in ��Ms, in
which their embedded OTAs are replaced by comparators and inverters, respectively. As
an illustration, Figure 5.26 shows the block diagram of the inverter-based second-order
single-loop ��M proposed by Chae and Han in [12]. The modulator—implemented
using very simple circuits—achieves 63-dB peak-SNDR within 8-kHz bandwidth, while
consuming only 5.6 μW from a 1.2-V supply. These results demonstrate that the use
of digital-based circuit techniques may become very energy efficient while keeping a
cutting-edge performance. Indeed the use of inverters to emulate the transconductance
operation, such as the well-known Nauta’s transconductor [319], as well as improved
versions of this idea, are gaining popularity in the analog design community, for instance
in the design of widely tunable filters [320].

However, despite the aforementioned benefits of replacing OTAs with digital-based
circuit solutions, it should be noted that simple circuits such as inverters, cannot be seen
as the panacea for all analog design problems in ��Ms. In practice, there is always
a trade-off between the required electrical performance of a given building block and
the circuit complexity in terms of number of transistors, with the subsequent penalty in
power consumption, silicon area, impact of parasitics, etc. Therefore, a simple inverter
circuit cannot replace a high-performance OTA. However, depending on the modulator
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specifications and target application, digital-based integrators could be a suited circuit
solution. For instance, this might be the case in some biomedical applications demanding
very low power consumption and/or wideband applications requiring ultra-high-speed
loop-filter circuits. In both cases, the required DR is typically below 60–70 dB, which
might not be very demanding in terms of finite DC gain of loop-filter building blocks
and, consequently, the use of simple digital-based circuit solutions may result competitive.
Nevertheless, the use of digital techniques is still at an early stage and it is expected that
circuit improvements derived from technology downscaling will make possible that ��Ms
become more and more digital in a near future.

5.3.6 Adaptive/Reconfigurable ��Ms

The integration of entire wireless telecom systems into mainstream low-cost digitally
oriented nanometer CMOS technologies together with the continuous increasing num-
ber of standards, operation modes, and applications, is driving the need of the so-called
adaptive/reconfigurable ADCs, which are a particular kind of ADC that can reconfigure
its performance metrics to different sets of specifications with adaptive power consump-
tion. However, the practical implementation of this kind of ADCs involves a number
of practical issues and trade-offs at both architecture and circuit level, which must be
taken into account to optimize the performance in terms of power budget. This problem
is indeed aggravated as efficiency is required in an increasingly wide tunable region in
the resolution-versus-bandwidth plane.

In this application scenario, ��Ms are very suited for the implementation of this
kind of ADC as the variation of their basic parameters—OSR, L, and B—can easily
contribute to adapting the ADC performance to different requirements with optimized
power consumption and large hardware reuse [321].

Reconfiguration at Architecture Level

The aforementioned reasons explain why state-of-the-art multistandard, multimode ADCs
have been mainly implemented using ��Ms. Indeed, a number of adaptive/reconfigurable
��M ICs have been reported in the literature, implemented with both SC and CT cir-
cuit techniques, as summarized in Tables 5.12 and 5.13, respectively. The majority of the
��Ms included in these tables are able to digitize more than three standards [85, 287–295,
297], achieving cutting-edge performance while digitizing signals with Bw ranging from
hundreds of kilohertz to tens of megahertz. Although changing the sampling frequency has
been the reconfiguration strategy most commonly applied, the mandatory use of low values
for OSR in wideband standards has forced ��Ms to achieve the required DR by resorting
to different strategies, including adaptive high-order shaping [287, 292], switchable cas-
cade topologies [290, 291, 297], multirating [290], programmable notches within the signal
band [287, 300], and multibit embedded quantizers with adjustable number of bits [85].

Adaptation at Circuit Level

The mentioned architecture reconfiguration strategies are frequently combined with
circuit/transistor-level techniques in order to increase the energy efficiency of
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adaptive/reconfigurable ��Ms. Among others, one of the most commonly used circuit
techniques consists of implementing switchable unit cells, such as OTAs [295, 300], or
unit capacitors [237, 298], in which a different number of unit elements is connected
depending on the required electrical performance of a given ��M building block. Apart
from the former circuit-level reconfiguration techniques, programmable bias current
generators are frequently used in order to adapt the bias current and, subsequently, the
power consumption of the amplifiers (and the preamplifiers used for the comparators) to
the different operation modes covered by the reconfigurable ��M [291, 298].

Concurrency

Although both single-loop and cascade topologies report state-of-the-art performance,
cascade ��Ms are a priori more suitable architectures for the implementation of adaptive/
reconfigurable ADCs. Indeed, the modular nature of cascade topologies allows to easily
turn different stages either on or off depending on the loop-filter order L required for a
given set of specifications, while keeping system stability and low sensitivity to circuit
nonidealities. In addition to reconfiguring its performance parameters, a multimode ��

ADC must digitize signals corresponding to different standards in a parallel or concurrent
way—that is, GSM and Bluetooth signals, and/or UMTS and WLAN signals.

Concurrency can be easily implemented in a cascade ��M as conceptually illustrated in
Figure 5.27, where a concurrent switchable network is used for allowing the modulator to
be configured as several submodulators working in parallel, each one processing a different
input signal. A number of control signals are needed to enable the switches that correspond
to the desired operation mode in each case, either concurrent or cascaded. Moreover, a
programmable DCL is required, which should be adapted to the concurrent operation
and/or the number of stages working as either isolated single-loop modulators or as parts
of a cascade. The price to pay is an increase in the complexity of the digital control circuits
as compared to conventional ��Ms. However, the implementation of digital circuits
benefits from technology downscaling, which may result in a more efficient solution
than using separate ADCs operating in parallel. Thus, the majority of state-of-the-art
reconfigurable ��Ms focus their efficiency in achieving reconfigurability and adaptability.
The increasing need of implementing concurrency in modern mobile handheld terminals
has motivated doing more research on this topic and the first experimental evidences of
implementing this feature have already been reported [322].

5.3.7 Ultra-High-Speed CT-��Ms for RF Digitization

As previously explained in this chapter, more and more CT-��Ms are demonstrating to
be a competitive solution for the implementation of power-efficient ADCs operating in
the gigahertz range [154, 161, 181, 207, 232, 239, 251, 323]. This feature has prompted
the interest of RF circuit designers to use CT-��Ms in digital-intensive RF transceivers.
Thus, in addition to digitize signals, CT-��M ICs might take advantage of their CT circuit
nature to merge some RF functionalities such as blocker-rejection filtering, frequency-
mixing process, channel-selection and antialiasing filtering, and so on [155, 176, 203,
233, 284]. All these functionalities can be embedded within the ��M feedback loop as
conceptually depicted in Figure 5.28a, thus resulting in more compact RF receivers, with
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Figure 5.27 Conceptual block diagram of a reconfigurable cascade ��M with
concurrent operation.

a reduced complexity in the analog hardware and the subsequent benefits in terms of
sensitivity to circuit imperfections and power/area scalability with technology.

A fully digitized RF receiver, conceptually illustrated in Figure 5.28b, should place the
analog-to-digital interface as close as possible to the antenna—an approach commonly
referred to as RF-to-baseband digitization or RF-to-digital conversion [251]. Although this
is the ideal implementation of the so-called software-defined radio (SDR) paradigm [324],
its practical application scenario is still far from a consumer product deployment. This
is mostly limited by the unfeasible power-hungry requirements demanded by the ADC,
particularly in terms of signal bandwidth, linearity, and dynamic range, supporting signal
levels from the sensitivity to the full strength. In order to reduce the power consumption,
some authors propose using BP-��Ms to digitize IF signals [232, 236], by implementing
an IF-digitization scheme as that shown in Figure 5.28a. This way, after being preamplified
by the LNA and downconverted from RF to IF in the mixer, the incoming signal is
digitized by a CT BP-��M. A good example of this compact and power-efficient solution
is reported by Harrison et al. in [232]. The modulator is integrated in a 40-nm CMOS
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Figure 5.28 Conceptual block diagrams of digital-intensive RF receivers using: (a) reconfigurable
LP/BP-��M with embedded analog baseband signal conditioning. The ��M can be implemented
using either SC or CT circuits depending on the operating frequency. (b) RF-to-baseband CT
BP-��M, where RF signals are directly digitized and most signal processing is implemented
by the DSP.

technology and digitizes 20-MHz signals placed at 700–800 MHz with 70-dB SNDR,
dissipating 20 mW when clocked at 3.2 GHz.

In spite of the strong specifications required by RF-to-digital converters, the recent
advances in BP-��M ICs—particularly some ICs implemented using CT circuits listed
in Table 5.9—are pushing RF digitization forward, taking significant steps toward future
implementations of SDR mobile devices based on the conceptual scheme of Figure 5.28a.
It is interesting to note that one of the ICs in Table 5.9, reported by Martens et al. in
[251], is clocked at 8.88 GHz, which is the highest sampling rate reported to date by
CMOS ��Ms. The chip presented in [251] is a fourth-order CT BP-��M with a notch-
frequency placed at fs/4, that is, 2.2 GHz. This high-speed operation can be achieved
by combining six time-interleaving quantizers with a polyphase decimation filter, which
allows RF digitization at 2.2 GHz with 48-dB DR within 80-MHz bandwidth, while
consuming 164 mW.

The majority of these state-of-the-art CT BP-��Ms intended for RF-to-baseband dig-
itization use a fixed center frequency or notch frequency and combine diverse strate-
gies to relax the ADC requirements—such as out-of-band embedded filtering [250] or
subsampling [234]. A good example was proposed by Ryckaert et al., who reported the
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et al. [234]. It combines subsampling and two time-interleaved comparators to digitize 60-MHz
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design of a six-order BP-��M—conceptually depicted in Figure 5.29—which uses the
subsampling technique [325] for digitizing signals centered at 2.4 GHz with fs = 3 GHz,
that is, a ratio of 4/5. The loop filter—implemented by Q-enhanced LC resonators—is
made tunable by varying tank capacitors such that the operation of the ADC can be
adjusted to the desired center frequency. However, a wider tuning range is required in
order to implement an SDR receiver.

Indeed, one of the problems associated with conventional BP-��Ms with a fixed
notch-frequency is that the RF receiver requires a programmable frequency synthesizer
(Figure 5.28) in order to place the signal band within the pass-band of the BP-��M. This
issue has motivated the interest for reconfigurable BP-��Ms with wide tunable notch-
frequency. On the basis of this strategy, Yamamoto et al. reported in [326] one of the
widest tuning ranges for the notch-frequency achieved by SC BP-��Ms, ranging from
DC to 12.6 MHz. This tuning range can be significantly increased by using CT-��Ms,
as reported by Shibata et al. in [239], where a sixth-order reconfigurable LP/BP-��M IC
features a DC-to-1 GHz tunable notch-frequency, at the price of consuming 550 mW.

Another interesting approach of using CT BP-��Ms with a reconfigurable 0.8–2 GHz
notch-frequency was reported by Gupta et al. in [253, 323]. In this case, a second-
order topology is integrated together with a quadrature phase-locked loop (QPLL) to
allow quadrature phase synchronization between a raised-cosine feedback DAC and the
embedded quantizer. As shown in Table 5.9, the chip digitizes 1-MHz signals placed
at 797 MHz with a DR of 8.3 bit, while consuming 41 mW, out of which 11 mW are
consumed by the QPLL.

In conclusion, the trend toward RF digitization is expected to continue, as revealed
by the increasing number of CT BP-��Ms operating in the gigahertz range that are
becoming commonplace. The main issue of this approach is the power consumption that
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must be reduced in order to be competitive with conventional approaches based on a
direct-conversion receiver made up of an analog signal conditioning (basically an LNA,
a mixer, and a baseband filter) followed by a reconfigurable LP-��M [321].

5.4 Classification of State-of-the-Art References

For the sake of clarity, this chapter is concluded by grouping the references on the state-of-
the-art ��M ICs, according to the same classification criteria followed in Tables 5.1–5.13:

• SC single-loop single-bit LP-��Ms: [12–54]
• SC single-loop multibit LP-��Ms: [22, 55–98]
• SC cascade single-bit LP-��Ms: [19, 99–116]
• SC cascade multibit LP-��Ms: [38, 76, 110, 117–136]
• SC BP-��Ms: [137–153]
• CT single-loop single-bit LP-��Ms: [154–192]
• CT single-loop multibit LP-��Ms: [193–226]
• CT cascade LP-��Ms: [227–231, 297]
• CT BP-��Ms: [232–258]
• ��Ms with time-coded quantization: [259–268]
• Hybrid ��Ms: [215, 228, 269–286]
• SC reconfigurable ��Ms: [85, 287–291, 300]
• CT reconfigurable ��Ms: [292–299].

5.5 Summary

This chapter presented an analysis of the state of the art on CMOS ��Ms, making a
systematic classification of their architectures, circuit techniques, and target applications.
On the basis of the practical approach followed in this book, the empirical data extracted
from this statistical survey has been applied to identify design trends and challenges in
order to help designers select the most suitable ��M among different families for a
given application and/or range of specifications. With this practical objective in mind, a
number of design trade-offs have been discussed at different abstraction levels, namely
architecture level (i.e., single-loop vs cascade, single-bit vs multibit, low-pass vs band-
pass), circuit-level (i.e., SC vs CT, Gm-C vs active-RC), and technology process. The
conclusions derived from the presented statistical and empirical analysis can be used as a
practical guide to be incorporated in the top-down/bottom-up systematic design procedure
described in this book.

The chapter is concluded with a review of cutting-edge ��M ICs, considering diverse
circuits and systems techniques, namely: advanced cascade topologies, hybrid implemen-
tations, MR architectures, time-coded quantization, digital-based loop-filter implementa-
tions, adaptive/reconfigurable architectures, and ultra-high-speed ��Ms.

As a final conclusion, it could be said that compared to other kinds of ADCs, ��M
techniques cover the widest resolution-versus-bandwidth region, targeting more and
more applications and taking advantage of CMOS technology downscaling. This trend
is expected to continue with the development and improvement of some architecture
and circuit techniques—particularly using CT circuits, time-code quantization, and an



320 CMOS Sigma-Delta Converters

intensive use of digital-assisted analog circuits—which will all push ��Ms forward,
increasing their dominance in a growing number of data-conversion applications.
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SIMSIDES User Guide
SIMSIDES (SIMulink-based SIgma-DElta Simulator) is a time-domain behavioral sim-
ulator for ��Ms developed as a toolbox in the MATLAB/SIMULINK environment.
SIMSIDES can be used for simulating any arbitrary ��M architecture, implemented
with both DT and CT circuit techniques. To this end, a complete list of ��M build-
ing blocks (integrators, resonators, quantizers, embedded DACs, etc.) is included in the
toolboox. The behavioral models of these building blocks take into account the most crit-
ical error mechanisms of different circuit techniques including SC, SI, and CT circuits.
These models, validated through transistor-level electrical simulations and by experimen-
tal measurements taken from a number of silicon prototypes, have been incorporated
into the SIMULINK environment as C-MEX S-functions. As detailed in Chapter 3, this
approach drastically increases the computational efficiency in terms of CPU time and
accuracy of the simulation results.

The behavioral models included in SIMSIDES have been compiled and tested in a num-
ber of operating systems, including Apple OS X, UNIX (Solaris), Linux, and Microsoft
Windows. Both 32-bit and 64-bit system platforms have been successfully tested in the
majority of them.

Although SIMSIDES was originally developed using MATLAB 6.5 and SIMULINK 5,
the toolbox has been updated and successfully used in a number of MATLAB/SIMULINK
versions in the last years, the last one being MATLAB 2010b. This appendix provides
a user guide of SIMSIDES, giving an overview of the most significant features of the
simulator.

A.1 Getting Started: Installing and Running SIMSIDES

A free copy of SIMSIDES can be downloaded from the following website:

http://www.imse-cnm.csic.es/simsides

After completing the online registration form and accepting the terms and conditions
for using SIMSIDES, a zip file named simsides.zip is downloaded. The following
steps must be followed to install the toolbox:

1. Uncompress the simsides.zip file to a directory on your computer hard disk. Let
us assume that the directory is named SIMSIDES.

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.
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2. Start MATLAB program.
3. Set the MATLAB search path in order to add the SIMSIDES directory. To do this,

go to File menu in MATLAB and select Set Path. The Set Path dialogue
box opens, listing all folders on the search path. From this dialogue box, click
the button Add with Subfolders and select the SIMSIDES directory to add
to the search path. In order to reuse the newly modified search path including
SIMSIDES directory and subdirectories, click Save, and finally click Close. This
procedure—illustrated in Figure A.1a—must be done only the first time SIMSIDES
is installed in the hard disk.

In order to start SIMSIDES, type simsides at the MATLAB prompt and the SIM-
SIDES main window is displayed, as illustrated in Figure A.1b.

A.2 Building and Editing ��M Architectures in SIMSIDES

To create a new ��M architecture in SIMSIDES, select File and then New Archi-
tecture in the main menu, and a new SIMULINK model window is displayed. Alter-
natively, an existing ��M architecture can be opened by selecting File -> Open
Architecture as illustrated in Figure A.2.

In order to define a ��M block diagram in SIMSIDES, the required building blocks
can be incorporated from the Edit menu as shown in Figure A.3. Both SIMULINK
and SIMSIDES library models can be included by selecting Edit -> SIMULINK
Library or Edit -> Add block, respectively. The latter option allows users to
browse through all SIMSIDES library models. This way, clicking on Edit -> Add
block a new window is displayed where the user can select either ideal or real building
blocks, by choosing either Add Ideal Block or Add Real Block menus, respec-
tively. In both cases, building-block models are organized in a set of sublibraries, namely
integrators, quantizers and comparators, D/A converters, resonators, and auxiliary blocks.
The latter are only available in real libraries.

Some model libraries are grouped in sublibraries that contain different models cor-
responding to different kinds of circuit implementations. For instance, if library Real
Integrators is selected, a new window is displayed where the user can select the
circuit technique (CT, SC, or SI) as well as the type of integrator (i.e., either FE or LD in
the case of SC and SI integrators, and Gm-C, Gm-MC, active-RC, MOSFET-C in the case
of CT integrators). As an illustration, Figure A.3 shows different sublibraries contained
in the Real Integrators library. A complete list of model libraries and sublibraries,
as well as a description of their models, is given in Appendix B.

Once the ��M block diagram is completed and the different building-block model
parameters have been defined in the MATLAB workspace, the modulator can be simulated
in SIMULINK following the same procedure as for the simulation of an arbitrary model
in SIMULINK; that is, choosing Simulation -> Start menu in the SIMULINK
model window.



336 CMOS Sigma-Delta Converters

(a)

(b)

Figure A.1 Installing and starting SIMSIDES: (a) setting the MATLAB path and (b) starting
SIMSIDES at the MATLAB prompt.
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(a)

(b)

Figure A.2 Building and editing ��Ms in SIMSIDES: (a) creating a new ��M architecture and
(b) opening an existing model.

A.3 Analyzing ��Ms in SIMSIDES

Simulation output data can be post-processed in SIMULINK using the Analysis menu.
As illustrated in Figure A.4, the Analysis menu includes the following submenus:

• Node Spectrum Analysis, that computes and plots the FFT magnitude spectrum
of a given signal.

• Integrated Power Noise, used for calculating and graphically representing the
IBN within a given signal bandwidth.

• SNR/SNDR, that computes the SNR and/or SNDR within the band of interest, consid-
ering both LP- and BP-��Ms.

• Harmonic Distortion, that computes dynamic harmonic distortion figures, such
as THD and intermodulation distortion figures.

• Histogram, used for representing histograms and analyzing the input/output swing
in ��M building blocks.
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Figure A.3 Illustrating different sublibraries included in the Real Integrators library.

Figure A.4 Analysis menu in SIMSIDES.

• INL/DNL, that calculates static harmonic distortion.
• MTPR, used for computing multitone power ratio (MTPR).
• Parametric Analysis, that allows to simulate the impact of a given model param-

eter on the performance of ��Ms.
• Monte Carlo Analysis, to perform Monte Carlo simulations.

The required parameters and details involving the aforementioned analysis menus are
described below.
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(a) (b)

Figure A.5 Node spectrum analysis menu.

Node Spectrum Analysis

Figure A.5a shows the SIMSIDES Node Spectrum Analysis window. The follow-
ing parameters are required to compute the FFT magnitude spectrum:

• Name of the signal(s) to process, where different variable names can be
introduced, separated by commas. These variables can be output data generated in the
simulations (for instance, the modulator output data stream), which have been previ-
ously saved in the MATLAB workspace by using the To Workspace SIMULINK
block.

• Sampling frequency; that is, the sampling frequency in hertz.
• Window, that defines the window function used for computing the FFT. The main win-

dow functions available in MATLAB can be selected, namely Kaiser, Barlett, Blackman,
Hamming, Hanning, Chebyshev, Boxcar, and Triangular.

• Number of Points; that is, the number of points (N in Figure A.5) for the selected
window function and for FFT computation.

• Window Parameters, where other parameters required to define the window func-
tion are defined (such as Beta parameter used in Kaiser windows).

Once these parameters have been defined, the output spectrum can be computed by
clicking on the Compute button and then selecting the signal to be processed from the
new window that is displayed (Signal Spectrum window shown in Figure A.5b).

Integrated Power Noise

Figure A.6 shows the SIMSIDES Integrated Power Node window used for com-
puting the IBN of any arbitrary data sequence obtained from simulations. To compute
IBN, the following parameters are required:
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Figure A.6 Integrated power noise menu.

• Name of the signal(s) to process.
• Sampling frequency; that is, the sampling frequency in hertz.
• Oversampling ratio; that is, the value of OSR that defines the signal bandwidth

in which the IBN is computed.
• Input frequency, where it is assumed that a single-tone input signal is applied.
• Window Parameters; that is, the parameters required to define the window function

used for computing the IBN.
• Kind of Spectrum, that specifies the signal nature; that is, low-pass (LP) or band-

pass (BP).

After defining all parameters described above, the IBN is computed by clicking on the
Compute button. Harmonic distortion can be also taken into account in the calculation of
the IBN by clicking the Include Harmonic in Noise Power button. The signal
spectrum can be also plotted together with the IBN by choosing the Include Signal
Spectrum option.

SNR/SNDR

Figure A.7 shows the SIMSIDES SNR/SNDR window. The parameters required to calcu-
late the SNR/SNDR of a given signal are essentially the same as those used for computing
IBN—described in the previous section. In this case, either the SNR or the SNDR is
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Figure A.7 SNR/SNDR menu.

computed depending on the Figure of merit selected. Note that this kind of analysis
calculates the SNR/SNDR for a given value of the input signal amplitude. If an SNR-
versus-amplitude curve is required, a parametric analysis should be chosen as will be
described later.

Harmonic Distortion

Figure A.8 shows the SIMSIDES Harmonic Distortion window that is used for
computing the harmonic distortion power. Two different figures of merit can be calculated,
namely THD and third-order intermodulation distortion (IM3 in Figure A.8). The latter
requires using a two-tone input signal. For that reason, there is an additional parameter
named Input2 Frequency that defines the frequency of the second input tone.

Integral and Differential Nonlinearity

The INTEGRAL AND DIFFERENTIAL NON-LINEARITY menu, illustrated in
Figure A.9, is used for characterizing the static linearity in SIMSIDES. The analysis
is based on either Histograms or Input Ramp Waveform—as selected by the
user. Other parameters required to do this analysis are the Input Amplitude and
the Number of bits, which specifies the ideal resolution of the A/D conversion,
expressed in bits.
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Figure A.8 Harmonic distortion analysis menu.

Figure A.9 Integral and differential nonlinearity analysis menu.
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Figure A.10 Multitone power ratio analysis menu.

Multitone Power Ratio

SIMSIDES can also analyze the harmonic distortion in those telecom applications such as
ADSL, where a discrete multitone (DMT) signal is used. In this case, the linearity of the
system is measured by a figure named multitone power ratio (MTPR). The corresponding
SIMSIDES menu—shown in Figure A.10—allows to compute MTPR for DMT input
signals of different types:

• Suppressing 1 carrier of each 16; that is, 1 out of 16 carrier channels are
suppressed.

• Suppressing 8 carrier of each 128; that is, 8 out of 128 carrier channels
are suppressed.

• Suppressing 16 carrier of each 256; that is, 16 out of 256 carrier chan-
nels are suppressed.

In addition, the following parameters are also needed to compute MTPR:

• Number of carriers, that stands for the number of carrier channels in which the
DMT signal is divided.

• Bins by carrier; that is, the number of bins assigned to each carrier channel in
the FFT.

Histogram

Histograms of signals that have been previously saved on the MATLAB workspace can be
computed using the HISTOGRAM menu (illustrated in Figure A.11), where the Number
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Figure A.11 Histogram analysis menu.

of bins specifies the number of intervals in which the signal range will be divided to
compute the histogram.

Parametric Analysis

Figure A.12 shows the SIMSIDES PARAMETRIC ANALYSIS menu. This menu is used
for analyzing the impact of varying a model parameter on the performance of ��Ms.
Either one parameter or two parameters can be varied simultaneously by selecting the
Second Parameter option. For each parameter, the following data must be specified:

• Parameter Name; that is, the name of the model parameter to be varied. This model
parameter can be a variable used in a ��M building-block model (such as for instance
Io, gm, etc.) or a simulation parameter, such as the input signal amplitude, sampling
frequency, and so on.

Figure A.12 Parametric analysis menu.
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Figure A.13 Monte Carlo analysis menu.

• Range [vi,vf], that defines the variation range, defined by an interval with a lower
value given by vi and a upper value of vf.

• N. of points; that is, the number of points in which the variation interval is
divided.

• Scale, that specifies if the variation range is either linear or logarithmic.
• Analysis, that specifies the type of analysis to be carried out, including output

spectrum, IBN, SNR/SNDR, INL, MTPR, harmonic distortion, histograms, and so on.

Monte Carlo Analysis

Figure A.13 shows the SIMSIDES menu to run a Monte Carlo analysis. This is a partic-
ular case of parametric analysis, which has essentially the same functionalities and model
parameters. The only difference is that the variation of the parameters involved in the
Monte Carlo analysis are randomly varied according to a probability distribution with
a mean value and a standard deviation that are specified in the analysis menu. Differ-
ent types of probability distributions can be chosen, including Normal, Log-Normal,
Exponential, and Uniform distributions.

A.4 Example

This section illustrates the use of SIMSIDES through a simple example in which several
kinds of analyses will be carried out to show the main features of the toolbox. Figure A.14
shows the block diagram of the modulator under study, which consists of a third-order
cascade 2-1 DT-��M with single-bit quantization in both stages.
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Figure A.14 Z -domain block diagram of a cascade 2-1 DT-��M.

Creating the Cascade 2-1 ��M Block Diagram in SIMSIDES

The modulator block diagram shown in Figure A.14 can be implemented by using the
model libraries available in SIMSIDES. To this end, the same procedure as described in
Section A.2 is followed:

• Go to SIMSIDES main menu, select File -> New Architecture and introduce
a name for the new ��M architecture.

• Include the integrators and comparators from the SIMSIDES model libraries. To do this,
select Edit -> Add Block. In this example, the FE integrators in Figure A.14
are implemented by using the SC_FE_Integrator_All_Effects blocks from
the Real Integrators library, whereas single-bit quantizers are modeled by the
Real_Comparator_Offset&Hysteresis comparator block available in Quan-
tizers&Comparators library. These building blocks can be incorporated in the
new architecture by simply dragging and dropping the models from their corresponding
SIMSIDES libraries, as illustrated in Figure A.15a.

• Incorporate the remaining building blocks from the SIMULINK model library. To do
this, go to Edit -> Simulink Library and drag the required models. In this
example, the following blocks are required: Sine Wave and Ground blocks from
Sources library, Unit Delay and Discrete Filter block from the Dis-
crete library, and To Workspace from Sinks library.

• Finally, once all required blocks have been included in the new architecture, they
are properly connected to implement the required ��M architecture shown in
Figure A.15b.

Setting Model Parameters

The modulator parameters and model parameters required to simulate the block diagram
of Figure A.15 can be either set up in the MATLAB command window or they can be
alternatively saved in an M-file that is loaded when needed. As an illustration, Figure A.16
shows the M-file used for setting up all model parameters of Figure A.15, that also includes



SIMSIDES User Guide 347

(a)

(b)

Figure A.15 SIMSIDES block diagram of the ��M shown in Figure A.14: (a) building and
editing the block diagram and (b) complete modulator block diagram in SIMSIDES.
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Figure A.16 M-file including all model parameters required to simulate the ��M in Figure A.15b.

a brief description of the different parameters and variables included. For the sake of
completeness, Table A.1 includes the values of all building-block parameters as they are
described in the SIMSIDES user masks, as well as other auxiliary block parameters (such
as those used in Sine Wave and To Workspace blocks) that are required during
simulation. In addition to these model parameters, simulation parameters must be set up
to run a simulation. To do this, go to Simulation -> Simulation Parameters
menu and define the following parameters:

• Simulation Time: Start Time: 0.0; Stop Time: (N-1)*Ts
• Solver options: Type: Variable Step; Max Step Size: Auto

Note that integrator building blocks are identified in order to properly compute the
equivalent load capacitances required for the incomplete settling error model.
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Table A.1 Building-block model parameters used for simulating the ��M in Figure A.15b

Building block Parameter description Value/variable

Input sine wave Sine type Time based
Amplitude 0.5
Bias 0
Frequency (rad s−1) 2*pi*fi
Phase (rad) 0
Sample time 0
Interpret vector parameters Selected

First Integrator Integration and Sampling Capacitors (Branch 1, Branch 2) [Cint1,Cs11,Cs21]
Capacitor nonlinear coefficients [cnl1,cnl2]
Weight’s variance, rms eq.input noise, temperature [0,innoise1,temp]
OTA DC gain, transconductance, max. output current [ao1,gm1,io1]
Positive/negative output swing [osp,−osp]
Switch on-resistance ron1
OTA DC gain nonlinear coefficients [avnl1,2,3,4]
Parasitic capacitances before the OTA [cpar1,cpar2]
Load capacitance cload
Positive input 1 is sampled at . . . phi1
Sampling Time Ts
Identifier for this integrator a
Identifier for the next integrator b

Second, Third Integration and sampling capacitors (Branch 1, Branch 2) [Cint2,Cs12,Cs22]
Integrators Capacitor nonlinear coefficients [cnl1,cnl2]

Weight’s variance, rms eq.input noise, temperature [0,innoise2,temp]
OTA DC gain, transconductance, max. output current [ao2,gm2,io2]
Positive/Negative Output swing [osp,−osp]
Switch on-resistance ron2
OTA DC gain nonlinear coefs. [avnl1,2,3,4]
Parasitic capacitances before the OTA [cpar1,cpar2]
Load capacitance cload
Positive Input 1 is sampled at . . . phi1
Sampling Time Ts
Identifier for this integrator (second integrator) b
Identifier for this integrator (third integrator) c
Identifier for the next integrator c

Comparators Vhigh, Vlow [vref, −vref]
Offset, hysteresis [0,hys]
Phase ON phi1
Sampling time Ts
Identifier for this quantizer quant1

To workspace (y) Variable name y
Limit data points to last N
Decimation 1
Sample time Ts
Save format Array
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Figure A.17 Output spectrum (magnitude) of the ��M in Figure A.15b.

Computing Output Spectrum

The output spectrum of the ��M can be computed in SIMSIDES by following the
next steps:

• Set up model parameters by using the M-file shown in Figure A.16.
• Simulate the modulator in Figure A.15b from the menu Simulation -> Start.
• Once the simulation is finished, go to Analysis -> Node Spectrum Analy-
sis menu in SIMSIDES.

• Define the parameters requested in that menu. In this example, the sampling frequency
is defined as fs and a Kaiser window function is used with a number of points N and
Beta = 20.

• Click on Compute and then Plot, and the output spectrum shown in Figure A.17 is
displayed.

SNR versus Input Amplitude Level

Figure A.18 shows the SNDR versus input amplitude level (or SNDR curve) of the
��M in Figure A.15b. This figure has been obtained by using the Analysis menu and
choosing SNR/SNDR analysis. In this example, the following parameters are used:

• Parameter Name: Ain, where Ain is the Amplitude parameter defined in the
Input Sine Wave block in Figure A.15b.

• Range [vi,vf]: [1e-6,2]
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Figure A.18 SNDR versus input amplitude level of the ��M in Figure A.15b.

• N. of points: 50
• Scale: Logarithmic
• Analysis: SNR/SNDR
• Second Parameter: Off

Once the aforementioned parameters are set up, click on Continue and the SNR/SNDR
window menu shown in Figure A.7 is displayed. The requested parameters (i.e., sam-
pling frequency, oversampling ratio, etc.) are set up according to the values given in
Figure A.16, namely:

• Name of the signal(s) to process: y
• Sampling frequency (Hz): fs
• Oversampling ratio: M
• Input Frequency (Hz): fi
• Window: Kaiser
• N. of Points: N
• Beta: 20
• Kind of Spectrum: LP
• Figure of merit: SNDR

After setting up the aforementioned parameters, click on Compute and then Plot to
obtain the curve given in Figure A.18.
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Parametric Analysis Considering Only One Parameter

The Parametric Analysis menu can be used for studying the effect of a given
model parameter on the modulator performance. For instance, let us consider the effect
of the OTA transconductance gm of the front-end integrator in Figure A.15b. In order to
analyze the impact of this parameter on the effective resolution of the modulator, go to
Parametric Analysis menu and set up the following parameters:

• Parameter name: gm1, that stands for gm of the front-end integrator block in
Figure A.15b.

• Range [vi,vf]: [1e-5,1e-3]
• N. of points: 50
• Scale: Linear
• Analysis: SNR/SNDR
• Second Parameter: Off

Once these parameters are defined, click on Continue and proceed similarly to pre-
vious examples in order to compute the SNDR. Figure A.19 shows the results of this
analysis, by depicting the SNDR versus gm1.

Parametric Analysis Considering Two Parameters

The Parametric Analysis menu can be used also for implementing parametric
analyses considering the variation of two different parameters. As an example, Figure A.20
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Figure A.19 Using parametric analysis to study the effect of a single model parameter: SNDR
versus transconductance of the front-end amplifier for the ��M in Figure A.15b.
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Figure A.20 Parametric analysis considering the effect of two parameters (gm1 and Io1) on
the SNDR.

shows the effect of both the OTA transconductance gm1 and the maximum output current
Io1 of the front-end amplifier on the SNDR of the ��M in Figure A.15b.

In order to obtain the graph in Figure A.20, the following parameters are set up in the
Parametric Analysis menu:

• Parameter name: io1, that stands for the maximum output current Io of the
front-end integrator.

• Range [vi,vf]: [1e-4,1e-3]
• N. of points: 10

Computing Histograms

Finally, to conclude this example, Figure A.21 illustrates the histograms of the integrators
outputs in the front-end stage of the modulator in Figure A.15b.

These histograms have been obtained by using the Analysis -> Histograms
menu from SIMSIDES and setting up the following model parameters:

• Name of the signal(s) to process: y1,y2, that are the names given
to the output of the integrators saved into the MATLAB workspace by using To
Workspace blocks from the SIMULINK elementary library.

• Number of bins: 100
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Figure A.21 Illustrating the use of histograms of the modulator in Figure A.15b.

Figure A.22 Help menu.

A.5 Getting Help

SIMSIDES includes a help menu (illustrated in Figure A.22) from which this user guide
can be opened by selecting Help -> User Manual in the SIMSIDES main window.
In addition, a complete list of all behavioral models (and their corresponding parameters)
included in SIMSIDES—described in Appendix B—can be also obtained from this menu
by selecting Help -> Libraries and Models.



B
SIMSIDES Block Libraries
and Models
This appendix contains a compilation of all ��M building blocks and libraries included
in SIMSIDES. A brief description of their purpose and functionality, as well as their main
model parameters, is provided.

B.1 Overview of SIMSIDES Libraries

Table B.1 compiles all libraries included in SIMSIDES together with a brief description
of their contents. These libraries are divided into two main categories: Ideal Libraries
and Real Libraries. The former contains ideal building blocks, whereas the latter includes
behavioral models that incorporate circuit-level nonidealities. The libraries containing
integrators and resonators are subdivided into several specific sublibraries, which include
in turn building-block models corresponding to different circuit-level implementations.
For instance, SC integrators are subdivided into FE and LD integrators; CT integrators
are subdivided into Gm-C, active-RC, etc.

B.2 Ideal Libraries

As shown in Table B.1, SIMSIDES includes four ideal libraries, namely: integrators,
resonators, quantizers, and DACs. The building blocks contained in these libraries are
described in the following sections.

B.2.1 Ideal Integrators

There are three kinds of ideal integrators in this library, namely Ideal_CT_Integra-
tor, Ideal_FE_Integrator, and Ideal_LD_Integrator.

CMOS Sigma-Delta Converters: Practical Design Guide, First Edition. José M. de la Rosa and Rocı́o del Rı́o.
© 2013 John Wiley & Sons, Ltd. Published 2013 by John Wiley & Sons, Ltd.
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Table B.1 Overview of SIMSIDES libraries

Ideal Libraries Sublibraries Building Blocks
Integrators — Ideal DT/CT integrators
Resonators — Ideal resonators
Quantizers & Comparators — Ideal quantizers
D/A Converters — Ideal DACs

Real Libraries Sublibraries Building Blocks

Integrators SC FE integrators Forward-Euler SC integrators
SC LD integrators Lossless-Direct SC integrators
SI FE integrators Forward-Euler SI integrators
SI LD integrators Lossless-Direct SI integrators
Gm-C integrators Gm-C integrators
Gm-MC integrators Miller OTA integrators
RC integrators Active-RC integrators
MOSFET-C integrators MOSFET-C integrators

Resonators SC FE resonators Resonators based on FE SC integrators
SC LD resonators Resonators based on LD SC integrators
SI FE resonators Resonators based on FE SI integrators
SI LD resonators Resonators based on LD SI integrators
Gm-C resonators Resonators based on Gm-C integrators
Gm-LC resonators Resonators based on Gm-LC integrators

Quantizers & Comparators — Nonideal single-bit & multibit quantizers

D/A Converters — Nonideal single-bit and multibit DACs

Auxiliary Blocks — Adders, latches, DEM blocks, etc

Building-Block Model Purpose and Description

Ideal_CT_Integrator block models the ideal S-domain transfer function of a CT
integrator, given by,

ITF(s) = g •
1

s
(B.1)

where g represents the integrator gain (also referred to as integrator weight).
Ideal_FE_Integrator and Ideal_LD_Integrator blocks model the ideal

Z-domain transfer functions of DT FE and LD integrators, respectively given by:

ITFFE(z) = g •
z−1

1 − z−1

ITFLD(z) = g •
z−1/2

1 − z−1

(B.2)
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Model Parameters

The following model parameters are included in the dialogue box of the abovementioned
models:

• Gain, that defines the integrator weight g.
• Sampling Time; that is, the sampling period of both the Ideal_FE_Integrator

and Ideal_LD_Integrator blocks.

B.2.2 Ideal Resonators

This library includes diverse ideal resonator blocks described here.

Ideal_LD_Resonator

This block consists of a DT resonator made up of two LD integrators connected in a
feedback loop as illustrated in Figure B.1a. Its model parameters are the following:

• Af; that is, the forward loop gain.
• Afb, that represents the feedback loop gain.
• Sampling Time.

(a)

(b)

z−1/2

1−z−1

z−1

1−z−1

z−1

1−z−1
−1

z−1/2

1−z−1

x

x

Af

Afb

Affe

Afb2

y

y

−1
−

−

−

+

+

Figure B.1 Z-domain block diagram of: (a) ideal_LD_Resonator and (b) ideal_FE_Resonator.
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Ideal_FE_Resonator

This block models a DT resonator made up of two FE integrators connected in a feedback
loop as shown in Figure B.1b. In this case, the model parameters are the following:

• Affe, that represents the feed-forward loop gain.
• Afb1; that is, the global feedback loop gain.
• Afb2; that is, the local feedback loop gain.
• Sampling Time.

Ideal_CT_Resonator

This model corresponds to a CT (biquad) resonator with an S-domain transfer function
given by:

RTF(s) = (π/2) •s

s2 + (π/2)2
(B.3)

The above transfer function is implemented by using the Transfer Fcn block from
the Continuous SIMULINK library.

B.2.3 Ideal Quantizers

This library includes several building blocks that model single-bit and multibit/multilevel
quantizers intended for both voltage-mode (SC/CT) and current-mode (SI) ��Ms.

Ideal_Comparator

This block models the input/output DC characteristic of an ideal comparator, given by a
sign function as,

vo =
{

Vhigh vi ≥ 0

Vlow vi < 0
(B.4)

where vi and vo represent the input and output voltages, respectively, and Vhigh and Vlow
represent the analog values of the logic one and logic zero, respectively.

The model parameters of the Ideal_Comparator block are the following:

• Vhigh,Vlow, that stand respectively for Vhigh and Vlow.
• Phase, that models the clock phase in which the input signal is sampled. Two nonover-

lapping clock phases, denoted as phi1,2 are assumed.
• Sampling Time; that is, the clock signal period.
• Identifier for this Quantizer, that defines an identification name for the

block (used by some dynamic errors such as the incomplete settling error in SC circuits).

Ideal_Comparator_for_SI

This block models a current-mode comparator used in SI-��Ms. The behavioral model
is exactly the same as that used in the Ideal_Comparator block, except that in this
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(ii, goi) vo

Figure B.2 Input and output signals in an Ideal_Comparator_for_SI model.

case the input signal is a current-mode signal that is modeled as a matrix made up of
two vector elements, namely: the current signal itself and the output conductance of the
current-mode building block (i.e, integrator, resonator, etc.) connected at the input of the
comparator.

This way, the information provided to the model at each sampling time is a vector
of two elements as illustrated in Figure B.2, where ii is the input current, vo is the
output voltage, and goi is the output conductance of the building block connected at the
comparator input.

Ideal_Multibit_Quantizer

This building block includes the ideal behavioral model of a multibit quantizer with a DC
input/output midrise characteristic as illustrated in Figure B.3a.

The model parameters of this block are the following ones:

• Vhigh,Vlow, that represent, respectively, the maximum and minimum values of the
quantizer output FS range—see Figure B.3a.

• Number of bits of the quantizer.
• Xmax-Xmin, that defines the input FS range of the quantizer.

Vhigh
Vhigh

xmin xmax xmin xmax

Vlow

Vlow

(a) (b)

Figure B.3 Illustrating the input/output DC characteristic of: (a) multibit (3-bit) midrise quantizer
and (b) multilevel (7-level) midtreat quantizer.
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• Phase ON, that is the clock phase in which the input signal is sampled, considering
a two-phase clock signal generator.

• Sampling Time, that denotes the clock period.

Ideal_Multibit_Quantizer_for_SI

This block models a current-mode multibit quantizer with the same input/output char-
acteristic as an Ideal_Multibit_Quantizer, but considering that the input signal
has two components—ii and goi—in the same way as in Figure B.2.

Ideal_Multibit_Quantizer_levels

This building block models a multilevel quantizer in which the input/output characteristic
is defined as a function of the number of levels, instead of the number of bits as in the
Ideal_Multibit_Quantizer block. Thus, the same parameters are used, except for
the number of bits, which is replaced by Number of levels. If this parameter is even,
a midrise quantization characteristic similar to that shown in Figure B.3a is implemented.
Otherwise, a midtreat characteristic similar to that depicted in Figure B.3b is provided.

Ideal_Multibit_Quantizer_levels_SD2

This building block includes the same behavioral model as the previous one, but the
output is a thermometric-coded bit array. This is used in combination with multilevel
DACs with DEM techniques, as illustrated in Section B.8.

Ideal_Sampler

This building block models an ideal S&H circuit which can be used in CT-��Ms, in
which the signal is sampled at the input of internal quantizers.

Their model parameters are the following:

• Sampling Time, that denotes the clock period.
• Input clock phase, that defines the sampling clock phase.

B.2.4 Ideal D/A Converters

The blocks included in this library model different kinds of ideal DACs, namely:

• Ideal_DAC, that is used for modeling ideal single-bit DACs for either SC- or CT-
��Ms. They are simply modeled as a voltage gain, named Gain in the model.

• Ideal_DAC_for_SI, that models a single-bit DAC for SI-��Ms.
• Ideal_DAC_dig_level_SD2, that consists of a multilevel ideal DAC.

The last two models and their associated parameters are described below.
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vi goiDAC (vi)

io

+
−

Figure B.4 Equivalent circuit of Ideal_DAC_for_SI model.

Ideal_DAC_for_SI

Figure B.4 shows the equivalent circuit of the Ideal_DAC_for_SI block. It consists
of a voltage-controlled current source in parallel with a finite output conductance go. The
current source iDAC is a sign function of the input voltage vi given by,

iDAC(vi) =
{

+Iref vi = +vref

−Iref vi = −vref

(B.5)

where Iref and vref represent the modulator FS reference current and voltage, respectively.
The model parameters included in the Ideal_DAC_for_SI model are the following:

• Gain, that models the DAC gain; that is, Iref/vref.
• Gout, that represents go.
• Sampling Time, that models the clock period.
• Input Clock Phase; that is, the clock phase at which the DAC input is sampled.

Ideal_DAC_dig_level_SD2

This block transforms a thermometric-coded digital input into its corresponding analog
level. The model parameters used in this behavioral model are:

• Vhigh, that defines the upper limit of the quantization FS range.
• Vlow, that corresponds to the lower limit of the quantization FS range.
• Number of levels of the embedded quantizer.

B.3 Real SC Building-Block Libraries

SIMSIDES includes two libraries of SC integrators and two libraries of SC resonators.
These libraries are described subsequently.

B.3.1 Real SC Integrators

There are two SC integrator model libraries in SIMSIDES: one including FE SC integrator
models and the other one including LD SC integrators. In both cases, integrator models
are classified according to the nonideal effects that are included in the model and the
number of SC branches connected at the integrator input. This way, for each model there
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Figure B.5 SC integrator symbol in SIMSIDES: (a) one-branch integrator and (b) two-branch
integrator.

are four building blocks using the same behavioral model except for the number of input
SC branches.

As an illustration, Figure B.5 shows the symbol used in SIMSIDES for one-branch SC
FE integrators (Figure B.5a) and two-branch SC FE integrators (Figure B.5b), together
with their equivalent SC circuits. Note that although single-ended conceptual schematics
are shown in this figure, fully-differential circuits are assumed in the behavioral models.

Both integrators in Figure B.5 use the same behavioral model that consists of an ideal
SC FE integrator with output swing limitation. The behavioral model corresponding to a
one-branch SC FE integrator is named Basic_SC_FE_Int, while the model of the two-
branch SC FE integrator is named Basic_SC_FE_IntII. Following this nomenclature,
Basic_SC_FE_IntIII and Basic_SC_FE_IntIV models are used for three- and
four-branch SC FE integrators, respectively.

Table B.2 lists all SC integrator models available in SIMSIDES including a brief
description of the nonidealities included in each of them. Note that the model names
included in Table B.2 correspond to one-branch integrators. The same models are available
for integrators with up to four input branches.

The model named SC_FE_Int_1b_SD2 represents one-branch SC FE integrators
with all circuit nonideal effects, including the degradation caused by the switch on-
resistance on the integrator GB and SR. In this model, notation 1b is used for denoting
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Table B.2 Library of SC (FE/LD) integrators included in SIMSIDES

Model name Circuit effects included

Basic_SC_FE_Int Output swing limitation
Basic_SC_LD_Int

SC_FE_Int_Non_linear_C Output swing limitation,
SC_LD_Int_Non_linear_C capacitor nonlinearity.

SC_FE_Int_Weight_Mismatch Output swing limitation,
SC_LD_Int_Weight_Mismatch capacitor mismatch.

SC_FE_Int_Non_Linear_Sampling Output swing limitation,
SC_LD_Int_Non_Linear_Sampling nonlinear switch on-resistance.

SC_FE_Int_FiniteDCgain Finite OTA DC gain,
SC_LD_Int_FiniteDCgain output swing limitation,

parasitic OTA caps.

SC_FE_Int_Finite&Non_LinearDCGain Finite nonlinear OTA DC gain,
SC_LD_Int_Finite&Non_LinearDCGain output swing limitation

parasitic OTA caps.

SC_FE_Int_Noise OTA thermal noise, output swing
SC_LD_Int_Noise limitation, parasitic/load OTA caps.

SC_FE_Int_Settling Incomplete settling error, output swing
SC_LD_Int_Settling limitation, parasitic/load OTA caps.

SC_FE_Integrator_All_Effects switch on-resistance,
SC_LD_Integrator_All_Effects capacitor nonlinearity and mismatch,

settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors,
output swing limitation.

SC_FE_Integrator_All_Effects&NonLinSamp switch nonlinear on-resistance,
SC_LD_Integrator_All_Effects&NonLinSamp capacitor nonlinearity and mismatch,

settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors,
output swing limitation.

SC_FE_Int_1b_SD2 switch on-resistance and its effect on
GB and SR,
capacitor nonlinearity and mismatch,
settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors,
output swing limitation.

SC_FE_Int_1b_DEM_SD2 switch on-resistance and its effect on
GB and SR,
array of unit sampling capacitors,
capacitor nonlinearity and mismatch,
settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors,
output swing limitation.
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one input SC branch. Similarly, other models the names of which include nb denote n
input SC branches.

The model named SC_FE_Int_1b_DEM_SD2 includes the same nonideal effects as
SC_FE_Int_1b_SD2 model but it also allows modeling the sampling capacitor as an
array of unit capacitors. This array is used in combination with multilevel quantizers and
DACs that incorporate DWA/DEM algorithms as described in Section B.8. In this way,
the number of unit capacitors in the array must be exactly the same as the number of DAC
levels. Moreover, this array should include the DAC mismatch error that can be modeled as
a Gaussian distribution. Both SC_FE_Int_1b_SD2 and SC_FE_Int_1b_DEM_SD2
models provide detailed information about the integrator equivalent input-referred thermal
noise, equivalent load capacitances, and transient response model parameters. All these
pieces of information are displayed in the MATLAB command window after simulation.

Table B.3 lists the most important parameters used by the SC integrator behavioral
models in SIMSIDES, as well as a brief description of all of them.

B.3.2 Real SC Resonators

SIMSIDES has two SC resonator model libraries corresponding to FEI-based resonators
and LDI-based resonators. All building-block models correspond to the Z-domain block
diagrams shown in Figure B.1 but they are implemented by using the SC integrator models
described in the previous section. As an illustration, Figure B.6 shows the SIMSIDES
block diagram of an SC LDI-based resonator (Figure B.6a) and an SC FEI-based resonator
(Figure B.6b), which correspond to Figures B.1a and B.1b, respectively.

Following the same philosophy as that used in SC integrators, the behavioral models of
SC resonators in SIMSIDES are classified attending to the number of input SC branches
and the circuit nonideal effects included in the models. As an illustration, Figure B.7
shows an excerpt of both SC resonators libraries. Note that each row of blocks includes
the same circuit nonideal effects, with the only difference among them being the number
of input branches.

Table B.4 lists all SC resonator models available in SIMSIDES, including a brief
description of the nonidealities considered in each of them. The parameters used in these
models are the same as those included in SC integrator models—listed in Table B.3. In
addition to these parameters, the resonator gain can also be defined by the user by setting
a parameter named Gain (see Figure B.6), that can be defined in the model dialogue box.

B.4 Real SI Building-Block Libraries

SIMSIDES includes all necessary building blocks for the simulation of SI-��Ms. This
section describes SI integrators and resonators, as well as their main model parameters.

B.4.1 Real SI Integrators

Following the same classification criteria as that followed for SC building-block models,
there are two libraries of SI integrators in SIMSIDES: one including FE SI integrators
and the other one including LD SI integrators. Figure B.8 shows the symbol used in
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Table B.3 Model parameters used in SIMSIDES SC (FE/LD) integrators

Parameter name (in alphabetical order) Brief description

Array of sampling capacitors Array of unit capacitors
for DEM branch used with multilevel DACs with DEM

B (switch parameters) MOS large-signal transconductance
(analytic model)

Bandwidth (BW) Input signal bandwidth

Capacitor (first/second)-order Capacitor (first/second)
nonlinearity order nonlinearity

Finite and Linear Ron switch on-resistance, linear model

Finite DC Gain of the AO Finite OTA DC gain

g (switch parameters) Finite switch on-conductance
(analytic model)

Identifier for this integrator Identifier used for settling error model

Input Equivalent Thermal Noise OTA input-referred thermal noise

Input parameters [A,fi,ph] (switch) Amplitude, frequency, and phase of
the sinewave input
(table look-up model)

Integration/Sampling Capacitor Integration/sampling capacitors

Integration additional load Additional load capacitance
at the integration phase

Load Capacitor (cload) Integrator load capacitance

Maximum output current (Io) OTA maximum output current

Nonlinearity of the DC Gain OTA DC gain nonlinear coefficients

Output Swing Up/Down Maximum/minimum output swing limits

Parasitic Capacitor before the AO (Cp) Parasitic capacitance at the OTA input

pcoef (switch parameters) nonlinear coefficients of
the switch on-resistance
(table look-up model)

Positive Input is Sampled in... Input-switch clock phase

Ron switch on-resistance

Sampling additional load Additional load capacitance
at the sampling phase

Sampling Time Clock signal period

Switch on-resistance (Ron) Switch on-resistance

Temp Temperature (K)

Transconductance of the AO (gm) OTA transconductance

Variance Variance of the capacitor mismatch error
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(a)

(b)

Figure B.6 Block diagram of SC resonators in SIMSIDES: (a) LDI-based resonator and
(b) FEI-based resonator.

SIMSIDES for SI integrators together with a conceptual schematic of an FE SI integrator
and an LD SI integrator. In both cases, different models are included in SIMSIDES, which
are classified attending to the number of nonideal effects that are taken into account, as
detailed in Table B.5.

Apart from the building blocks in Table B.5, a current-mode buffer block, named
Buffer, is included in all SIMSIDES SI libraries. This block transforms an input current
vector into an output matrix made up of two vector elements: the input current signal itself
in parallel with an output conductance, named Gout of the source in the model.
Figure B.9 illustrates the operation of the Buffer block, by showing the SIMSIDES
block symbol and its equivalent circuit.

B.4.2 Real SI Resonators

As in the case of SC circuits, two different types of SI resonators are modeled in SIM-
SIDES, namely SI FEI-based resonators and LDI-based resonators. Both block diagrams
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FEI-based Resonators

LDI-based Resonators

Figure B.7 Excerpt of SC resonator libraries in SIMSIDES.

are depicted in Figure B.10. In both cases, integrator gain parameters—denoted as Affe,
Afb1, and Afb2—can be defined by the user in the block dialogue window, as well as
their associated gain errors—respectively denoted in the model as MU1, MU2, MU3.

Table B.6 lists all SI resonator blocks included in SIMSIDES together with a brief
description of the error mechanisms taken into account in each model. These errors and
their associated model parameters, which are the same as those used in SI integrators, are
described here.
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Table B.4 Library of SC (FE/LD) resonators included in SIMSIDES

Model name Circuit effects included

Basic_SC_FE_Res Output swing limitation
Basic_SC_LD_Res

SC_FE_Res_NonLinear_C Output swing limitation,
SC_LD_Res_NonLinear_C capacitor nonlinearity.

SC_FE_Res_Weight_Mismatch Output swing limitation,
SC_LD_Res_Weight_Mismatch capacitor mismatch.

SC_FE_Res_Non_Linear_Sampling Output swing limitation,
SC_LD_Res_Non_Linear_Sampling nonlinear switch on-resistance.

SC_FE_Res_FiniteDCgain Finite OTA DC gain,
SC_LD_Res_FiniteDCgain output swing limitation,

parasitic OTA caps.

SC_FE_Res_FiniteDC&NonLinearGain Finite nonlinear OTA DC gain,
SC_LD_Res_FiniteDC&NonLinearGain output swing limitation,

parasitic OTA caps.

SC_FE_Res_Noise OTA thermal noise, output swing
SC_LD_Res_Noise limitation, parasitic/load OTA caps.

SC_FE_Res_Settling Incomplete settling error, output swing
SC_LD_Res_Settling limitation, parasitic/load OTA caps.

SC_FE_Res_All_effects switch on-resistance,
SC_LD_Res_All_effects capacitor nonlinearity and mismatch,

settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors.

SC_FE_Res_All_effects&NonLinSamp switch nonlinear on-resistance,
SC_LD_Res_All_effects&NonLinSamp capacitor nonlinearity and mismatch,

settling error, finite (nonlinear) DC gain,
thermal noise, parasitic/load capacitors,
output swing limitation.

B.4.3 SI Errors and Model Parameters

This section gives a brief description of the main errors and model parameters included in
SI model libraries of SIMSIDES. For the sake of clarity, these errors are linked to some
of the building blocks in which they are included.

Basic_SI_FE(LD)_Integrator and Basic_SI_FE(LD)_Resonator

The model parameters included in these blocks are:

• Integrator Gain: integrator weight (see Figure B.8).
• Iomax(=-Iomin): maximum/minimum integrator output current.
• MU1,MU3: first-order and third-order coefficients of the gain nonlinearity.
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Figure B.8 SI integrator symbol used in SIMSIDES and its corresponding conceptual schematics.
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Figure B.9 SI buffer used in SIMSIDES: (a) symbol and (b) equivalent circuit.

The Z-domain transfer function of this integrator block is given by the following
expression,

io(z) = (1 − MU1) • ioi(z) + MU3 • i3
oi(z) (B.6)

where ioi(z) is the Z-transform of the ideal output current.
The abovementioned expression is also used for both LDI- and FEI-based SI res-

onators, although in this case the nonlinear coefficients are named SHI1, SHI3 instead
of MU1, MU3.

SI_FE(LD)_Int_Finite_Conductance

These blocks include the effect of finite input–output conductance ratio error. To this
purpose, the equivalent circuit shown in Figure B.11 is solved during sampling phase.
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Table B.5 Library of SI (FE/LD) integrators included in SIMSIDES

Model name Circuit effects included

Ideal_SI_FE_Integrator Ideal SI (FE/LD) integrator.
Ideal_SI_LD_Integrator

Basic_SI_FE_Integrator Output current limits,
Basic_SI_LD_Integrator nonlinear gain.

SI_FE_Int_Finite_Conductance Output current limits,
SI_LDI_Finite_Conductance finite nonlinear

output conductance,
input voltage limits,
thermal noise.

SI_FE_Int_Finite_Conductance&Settling Output current limits,
SI_LDI_Finite_Conductance&Settling finite nonlinear

input/output conductance,
input voltage limits,
settling error,
thermal noise.

SI_FE_Int_Finite_...&Settling&Charge_Injection Output current limits,
SI_LDI_Finite_...&Settling&Charge_Injection finite nonlinear

input/output conductance,
input voltage limits,
settling error, thermal noise,
charge injection error.

This circuit corresponds to the SI LD integrator1 of Figure B.8 on clock phase φ1. In this
circuit, the input signal is modeled as an ideal current in parallel with a finite conductance,
denoted as goi. Memory-cell transistor 1 (M1) is configured in the hold phase and is
modeled by its drain current id1 in parallel with an output conductance go. In contrast,
memory-cell transistor 2 (M2) is operating in sampling phase and it is modeled by the
parallel connection of its output conductance with an input resistor. This resistor is a
nonlinear function of the drain current id2 of M2, given by,

vi(id2) � A1 • id2 + A3 • i3
d2 (B.7)

where A1, A3 represent the first-order and third-order nonlinear coefficients of the input
resistance. These parameters are defined in the models together with the following ones:

• Gout: output conductance go of memory cells.
• Vmax/Vmin: maximum/minimum values of vi in Equation (B.7).
• Ibias: integrator bias current (see Figure B.8).

1 A similar circuit is used for SI FE integrators.
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Figure B.10 Block diagram of SI resonators in SIMSIDES: (a) FEI-loop resonator and (b) LDI-
loop resonator.

SI_FE(LD)_Int_Finite_Conductance&Settling&ChargeInjection

Those SI building blocks including nonlinear incomplete settling and charge injection
require the following additional model parameters:

• Gmo: operating-point small-signal transconductance of memory transistors.
• Cgs: gate-to-source capacitance of memory transistors.
• Eq: charge injection error.

The charge injection error Eq is defined as a relative error on the voltage stored in the
gate-to-source capacitance, given by:

vgs, nonideal = (1 − Eq) • vgs, ideal (B.8)

B.5 Real CT Building-Block Libraries

Figure B.12 shows the CT building-block model libraries included in SIMSIDES. There
are four libraries of CT integrators and two libraries of CT resonators, which are classified
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Table B.6 Library of SI (FE/LD) resonators included in SIMSIDES

Model name Circuit effects included

Ideal_SI_FE_Resonator Ideal SI (FE/LD) resonator.
Ideal_SI_LD_Resonator

Basic_SI_FE_Resonator Output current limits,
Basic_SI_LD_Resonator nonlinear gain.

SI_FE_Res_Finite_Conductance Output current limits,
SI_LD_Resonator_Finite_Conductance finite nonlinear

output conductance,
input voltage limits,
thermal noise.

SI_FE_Res_Finite_Conductance&Settling Output current limits,
SI_LD_Res_Finite_Conductance&Settling finite nonlinear

input/output conductance,
input voltage limits,
settling error,
thermal noise.

SI_FE_Res_Finite_...&Settling&Charge_Injection Output current limits,
SI_LD_Res_Finite_...&Settling&Charge_Injection finite nonlinear

input/output conductance,
input voltage limits,
settling error, thermal noise,
charge injection error.

attending to the circuit nature of the building blocks, namely Gm-C, Gm-MC, Gm-LC,
active-RC, and MOSFET-C.

B.5.1 Real CT Integrators

Tables B.7–B.10 list all models2 included in CT integrator libraries shown in Figure B.12,
together with a brief description of the nonideal effects included. An explanation of the
most representative blocks and their associated model parameters is given in the following
sections.

Model Parameters Used in Transconductors and Gm-C Integrator Building Blocks

Building blocks listed in Table B.7 are used in SIMSIDES to model transconductors and
Gm-C integrators, considering the effect of different circuit-level nonideal effects. This
section gives a description of the most significant model parameters included in these
blocks.

2 RC_Int_1,2,3in models allow setting up of transistor-level parameters such as channel-length modulation, gate-
to-source overdrive voltage, saturation voltage, supply voltage, etc.
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Figure B.11 Modeling finite input–output conductance ratio error in SIMSIDES: (a) SI LD inte-
grator and (b) equivalent circuit during sampling phase (φ1).
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Figure B.12 Classification of SIMSIDES CT model libraries.
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Table B.7 Gm-C integrator library models in SIMSIDES

Model name Circuit effects included

Ideal_OTA_C_CTint Ideal Gm-C integrator.

Transconductor Input saturation voltage,
nonlinear transconductance.

gm_no_noise_new Output saturation voltage,
third-order intercept point.

1pole_gm Gm-C output impedance.

OTA_C_CT_1pole Input/output saturation voltage,
finite OTA DC gain, nonlinear transconductance,
one-pole dynamic, time-constant error,
nonlinear transconductance, thermal noise.

OTA_C_CT_2poles Input/output saturation voltage,
OTA_C_CT_2polesb Finite OTA DC gain, nonlinear transconductance,

two-pole dynamic, time-constant error,
nonlinear transconductance, thermal noise.

Table B.8 Gm-MC integrator library models in SIMSIDES

Model name Circuit effects included

Gm_MC_CTInt_1pole Input/output saturation voltage,
finite OTA DC gain, parasitic capacitances,
one-pole dynamic, thermal noise.

Gm_MC_CTInt_2poles Input/output saturation voltage,
finite OTA DC gain, parasitic capacitances,
two-pole dynamic, thermal noise.

Gm...1pole&Large_signal_distortion Input/output saturation voltage,
output current limit, finite OTA DC gain,
parasitic capacitances, one-pole dynamic.

Gm...2poles&Large_signal_distortion Input/output saturation voltage,
output current limit, finite OTA DC gain,
parasitic capacitances, two-pole dynamic.

Gm...1pole&Small_Signal_Distortion Input/output saturation voltage,
output current limit, finite OTA DC gain,
nonlinear transconductance,
parasitic capacitances, one-pole dynamic.

Gm...2poles&Small_Signal_Distortion Input/output saturation voltage,
output current limit, finite OTA DC gain,
nonlinear transconductance,
parasitic capacitances, two-pole dynamic.
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Table B.9 Active-RC integrator library models in SIMSIDES

Model name Circuit effects included

RC_CTInt_1pole OTA output swing limitation,
finite OTA DC gain, parasitic capacitances,
capacitance voltage coefficient,
one-pole dynamic, thermal noise.

RC_CTInt_2poles OTA output swing limitation,
finite OTA DC gain, parasitic capacitances,
capacitance voltage coefficient,
two-pole dynamic, thermal noise.

RC...1pole&Large_signal_distortion OTA output swing limitation,
output current limit, finite OTA DC gain,
parasitic capacitances,
capacitance voltage coefficient,
one-pole dynamic, thermal noise.

RC...2poles&Large_signal_distortion OTA output swing limitation,
output current limit, finite OTA DC gain,
parasitic capacitances,
capacitance voltage coefficient,
two-pole dynamic, thermal noise.

RC_Int_1in OTA output swing limitation,
RC_Int_2in finite OTA DC gain, nonlinear trans.,
RC_Int_3in slew rate, parasitic capacitances,

one-pole dynamic, thermal noise.

Table B.10 MOSFET-C integrator library models in SIMSIDES

Model name Circuit effects included

MOSFET_C_CTInt_1pole OTA output swing limitation,
finite OTA DC gain, parasitic capacitances,
capacitance voltage coefficient,
one-pole dynamic, thermal noise.

MOSFET_C_CTInt_2poles OTA output swing limitation,
finite OTA DC gain, parasitic capacitances,
capacitance voltage coefficient,
two-pole dynamic, thermal noise.

MOS...1pole&Large_signal_distortion OTA output swing limitation,
output current limit, finite OTA DC gain,
parasitic capacitances
one-pole dynamic, thermal noise.

MOS...2poles&Large_signal_distortion OTA output swing limitation,
output current limit, finite OTA DC gain,
parasitic capacitances
two-pole dynamic, thermal noise.
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Figure B.13 One-pole Gm-C integrator model used in SIMSIDES.

Transconductance of the OTA and Integration Capacitor, define,
respectively, the transconductance gm and the integration capacitor C of the Gm-C
integrator, the ITF of which is obtained by replacing g = gm/C in Equation (B.1).

[Upper,Lower] bound saturation voltage defines the maximum and mini-
mum values of the output voltage vo, as illustrated in Figure B.13.

Input Voltage [Upper, Lower] saturation limit defines the maximum
and minimum values of the input voltage, denoted as vimax and vimin, respectively, in
Figure B.13.

[Second, Third] order distortion coefficient represents the second-
and third-order nonlinear transconductance coefficients gm(1,2), where it is assumed that
the transconductance depends on the Gm-C integrator input voltage vi as,

gm � gmo
• (1 + gm1

• vi + gm2
• v2

i ) (B.9)

with gmo being the nominal value of the transconductance. The maximum current provided
by the transconductor is defined as Io.

DC voltage gain represents the finite OTA DC gain, defined as gm/go, with go being
the output conductance of the Gm-C integrator.

Integration constant time error, defined as Cp/C, with Cp being the para-
sitic capacitance at the output of the Gm-C integrator.

High-frequency pole that defines the value of the high-frequency pole when a
two-pole dynamic model is considered.

Gm-MC Integrators

SIMSIDES contains a library of Gm-C integrators based on the connection of a
transconductance element and a Miller capacitance, also referred to as Gm-MC
integrators. Figure B.14a shows the conceptual schematic of the Gm-MC integrators
modeled in SIMSIDES. Several models that account for the effect of different
circuit nonidealities are included in this library. The most accurate one, named
Gm_MC_CTInt_1poleSmall_Signal_Distortion, is modeled by the equivalent
circuit shown in Figure B.14b that involves a two-pole dynamic model. In addition to
the model parameters included in Gm-C integrators, Gm-MC integrator models use the
additional parameters described below.
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Figure B.14 Two-pole Gm-MC integrator model used in SIMSIDES: (a) conceptual schematic
and (b) equivalent circuit of the transconductor and the opamp.

Output transconductor parasitic, Integration capacitor ratio
(Cp/C) that represents CP/C (see Figure B.14b).

Output Operational parasitic, Integration capacitor ratio
(CI/C); that is, CL/C.

Operational parasitic Output, OTA output capacitor ratio
(Ct/C); that is, Ct/C.

Transconductor and Op. Amplifier Unity gain frequency (Hz)
[Gb1, Gb2], that represent the GB of the transconductor and of the opamp in
Figure B.14b, respectively.

High-frequency pole, that defines the value of the high-frequency (nondominant)
pole when a two-pole dynamic is considered—given by 1/(R1C1) in Figure B.14b.

Origin transconductance, that refers to the operating-point transconductance gmo
of the nonlinear characteristic given in Equation (B.9).

Active-RC Integrators

Among all active-RC integrator models listed in Table B.9, the most accurate and com-
plete one is named RC_CTInt_2poles&Large_signal_distortio. Figure B.15
shows the conceptual schematic (Figure B.15a) and its corresponding equivalent model
(Figure B.15b). There are two versions of this model: one based on a linear input resistance
R and another in which R is a nonlinear function of the input voltage given by,

R(vi) � R • (1 + R1
• vi + R2

• v2
i ) (B.10)

where R(1,2) represents the first- and second-order nonlinear coefficients.
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Figure B.15 Two-pole active-RC integrator model used in SIMSIDES: (a) conceptual schematic
and (b) equivalent circuit.

Apart from the model parameters used by the CT building blocks described in previous
sections, the following parameters are used in active-RC integrator models:

Output resistance—integration resistance ratio, that represents
Ro/R in Figure B.15b.

Integrator Ideal Unity gain frequency (RC), defined as 1/(RC ).

Opamp ideal Unity gain frequency, that is the GB of the opamp in
Figure B.15b.

High-frequency pole (Hz), defined as 1/(R1C1) (see Figure B.15b).

MOSFET-C Integrators

In addition to active-RC integrator models, SIMSIDES includes also a library of
MOSFET-C integrators the conceptual schematic of which is shown in Figure B.16.
Essentially, these building blocks are the same as those used for modeling active-RC
integrators, except that the integrator resistance R is replaced by a MOSFET transistor.

B.5.2 Real CT Resonators

Tables B.11 and B.12 list all models included in CT resonator libraries shown in
Figure B.12, together with a brief description of their nonideal effects. These libraries
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Figure B.16 Conceptual schematic of a MOSFET-C integrator similar to that modeled in SIM-
SIDES by the building blocks listed in Table B.10.

Table B.11 Gm-C resonator library models in SIMSIDES

Model name Circuit effects included

Ideal_gmC_CT_Resonator Ideal Gm-C resonator.

gmC_CT_Res_1pole Finite OTA DC gain,
time-constant error,
one-pole dynamic, thermal noise.

gmC_CT_Res_2poles Finite OTA DC gain,
gmC_CT_Res_2polesfull time-constant error,

two-pole dynamic, thermal noise.

gmC_CT_Res_1pole_larged Input/output saturation voltage,
output current limit, finite OTA DC gain,
time-constant error, one-pole dynamic.

gmC_CT_Res_2poles_larged Input/output saturation voltage,
output current limit, finite OTA DC gain,
nonlinear transconductance,
time-constant error, two-pole dynamic.

gmC_CT_Res_1pole_small&larged Input/output saturation voltage,
output current limit, finite OTA DC gain,
nonlinear transconductance,
time-constant error, one-pole dynamic.

gmC_CT_Res_2poles_small&larged Input/output saturation voltage,
output current limit, finite OTA DC gain,
nonlinear transconductance,
time-constant error, two-pole dynamic.

include different building blocks that are classified according to the accuracy of their
models as well as to the circuit nonidealities that are taken into account. As an
illustration, Figure B.17 depicts both CT resonator libraries included in SIMSIDES,
namely Gm-C resonators and Gm-LC resonators. Figure B.18 shows the conceptual
schematic of both kinds of CT resonators. The model parameters involved in the building
blocks shown in Figure B.17 are detailed here.
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Table B.12 Gm-LC resonator library models in SIMSIDES

Model name Circuit effects included

Ideal_gmLC_CT_Resonator Ideal Gm-LC resonator.

gmLC_CT_Res_1pole Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
finite OTA DC gain, time-constant error,
one-pole dynamic, thermal noise.

gmLC_CT_Res_2poles Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
finite OTA DC gain, time-constant error,
two-pole dynamic, thermal noise.

gmLC...1pole_large_dist Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
output current limitation,
finite OTA DC gain, time-constant error,
one-pole dynamic, thermal noise.

gmLC...2poles_large_dist Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
output current limitation,
finite OTA DC gain, time-constant error,
two-pole dynamic, thermal noise.

gm...1pole_small&large_dist Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
output current limitation, nonlinear transconductance,
finite OTA DC gain, time-constant error,
one-pole dynamic, thermal noise.

gmLC...2poles_small&larged Input/output saturation voltage,
inductance quality factor and series parasitic resistance,
output current limitation, nonlinear transconductance,
finite OTA DC gain, time-constant error,
two-pole dynamic, thermal noise.

Gm-C Resonators

Apart from those parameters used in Gm-C integrators, the following model parameters
are used in the Gm-C resonator model library:

Transconductance of the first, second, and third OTA
(gm1,gm2,gm3); that is, gm1, gm2, and gm3 in Figure B.18a.

Capacitors; that is, C1, C2 in Figure B.18a.

Nonlinear transconductance coefficients [gmnl1, gmnl2], that rep-
resents nonlinear coefficients gm(1,2) in Equation (B.9).

DC Gain of OTAs [Av1,Av2,Av3], that defines the finite OTA DC gain of
transconductors in Figure B.18a.
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(a)

(b)

Figure B.17 CT resonator libraries included in SIMSIDES: (a) Gm-C resonators and (b) Gm-LC
resonators.

Percentual integration constant time error [et1, et2]; that
is, the time constant errors associated with both feed-forward transconductances in
Figure B.18a, given by,

εt1 = Cp1 + Cp3

C1
, εt2 = Cp2

C2
(B.11)

where Cpi represents the parasitic capacitance of the ith transconductance in Figure B.18a.
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Figure B.18 Conceptual schematics of the CT resonators modeled in SIMSIDES: (a) Gm-C
resonator and (b) Gm-LC resonator.

Gm-LC Resonators

The main model parameters used by Gm-LC resonator blocks are described in this section.
Essentially, these parameters deal with the inductor element in Figure B.18b and its
associated resonant frequency.

Frequency resonance; that is, the resonant frequency of the Gm-LC resonator.

Inductor Q; that is, the Q-factor of the inductor in Figure B.18b.

Series Resistance; that is, the parasitic resistance R of the inductor.

The rest of the model parameters used in Gm-C resonators have the same meaning as
those used in Gm-C integrators and resonators.

B.6 Real Quantizers and Comparators

Table B.13 lists the building blocks included in the real Quantizers&Comparators
SIMSIDES library, together with a brief description of their operation and main circuit
nonidealities. In addition to the ideal parameters described in Section B.2.3, additional
model parameters are required to model the different circuit nonidealities. These error
parameters are listed in Table B.14.

Note that apart from comparators and quantizers, there is a building block named
Real_Sampler that is used for modeling the S&H circuits that are connected at the
input of embedded quantizers in CT-��Ms. One of the most critical errors associated
with this building block is the clock jitter. It is modeled as an uncertainty in the sampling
time δt corresponding to a stationary process with zero mean and standard deviation
defined by the user (see Table B.14).

B.7 Real D/A Converters

Table B.15 lists the different building blocks included in the real D/A Converters
SIMSIDES library, together with a brief description of their operation and main circuit
errors.

Error parameters associated with the models listed in Table B.15 have the same mean-
ing as those used in multibit quantizers, except for the selectable NRZ/RZ/HRZ DAC
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Table B.13 Real Quantizers and Comparator models included in SIMSIDES

Model name Circuit effects included

Real_Comparator_Offset&Hysteresis Voltage-mode comparator
with offset,
(random & deterministic) hysteresis.

Real_Comparator_Offset&Hysteresis_for_SI Current-mode comparator
with offset
and nonlinearity (INL).

Real_Multibit_Quantizer Voltage-mode multibit quantizer
with gain error, offset
(random & deterministic) hysteresis.

Real_Multibit_Quantizer_for_SI Current-mode multibit quantizer
with gain error, offset, INL,
(random & deterministic) hysteresis.

Real_Multibit_Quantizer_dig_level_SD2 Voltage-mode multilevel quantizer
with gain error, offset, INL,
(random & deterministic) hysteresis.

Real_Sampler Sampling & Hold circuit with
clock jitter error.

Table B.14 Error model parameters used in SIMSIDES Real Quantizers

Parameter name (in alphabetical order) Brief description

Gain Error in LSB Gain error measured in LSB.

Jitter typical deviation Standard deviation of clock jitter error.

Kind of Hysteresis Comparator hysteresis. It may
be either deterministic or random hysteresis.

INL in LSB Integral Nonlinearity error measured in LSB.

Number of levels Number of quantizer levels.

Offset Offset error.

Offset Error in LSB Offset error measured in LSB.

Seed for random jitter generation Seed number used for
generating random jitter error.

waveform and the delay error. The latter can be chosen to be either a constant delay or
a signal-dependent delay, given by,

delay(vi) = d0 + d1

x1 • |vi|
< dmax (B.12)

where d0, d1, x1, dmax are model parameters set by the user.
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Table B.15 Real DAC models included in SIMSIDES

Model name Circuit effects included

Real_DAC_Multibit Voltage-mode multibit DAC
with offset, gain error, and INL error.

Real_DAC_Multibit_SI Current-mode multibit DAC
with offset, gain error, and INL error.

Real_DAC_Multibit_delay_Jitter Voltage-mode multibit DAC
with offset error,
gain error, INL error,
delay error, and clock jitter error.

Real_DAC_Multibit_delay_Jitter_SI Current-mode multibit DAC
with finite output conductance, offset error,
gain error, INL error,
delay error, and clock jitter error.

Real_DAC_pulse_types Voltage-mode multibit DAC
with selectable NRZ/RZ/HRZ output waveform.

Real_DAC_Multibit_pulse_types Voltage-mode multibit DAC
with selectable NRZ/RZ/HRZ output waveform,
gain error, offset error, and INL error.

Real_DAC..._delay_jitter Voltage-mode multibit DAC
with selectable NRZ/RZ/HRZ output waveform,
gain error, offset error, INL error,
delay error, and clock jitter error.

B.8 Auxiliary Blocks

In addition to the building blocks described in previous sections, SIMSIDES includes a
library named Auxiliary blocks that contains some other blocks (such as adders,
DEM algorithms, and digital latches) also needed to simulate ��Ms. Table B.16 lists
the models included in the mentioned library together with a brief description of their
operation. The most significant parameters used by these models are listed in Table B.17.

As an illustration on the use of some of the auxiliary blocks, Figure B.19a shows the
SIMSIDES block diagram of a second-order feed-forward SC-��M, which includes an
embedded 16-level quantizer and DAC with a selectable DEM algorithm.

The block diagram in Figure B.19a includes the following building blocks:

• Mux_SD2. This block samples the modulator input signal in a number of unit capac-
itors, which corresponds to the number of unit elements used in the multilevel DAC
minus one. As shown in Figure B.19b, the only model parameter of this block is named
Number of elements, which equals 15 in this example.

• SC_FE_Int_All_Effects_DEM_SD2. This block is used for modeling the front-
end integrator and includes all error mechanisms with values defined in the block
dialogue box in Figure B.19c. This model includes also a parameter named Array
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Table B.16 Auxiliary building-block models used in SIMSIDES

ANALOG ADDERS

Model name Brief description

Analog_Adder_Ideal_SD2 Ideal SC passive adder with
parasitic input capacitance and load capacitance.

Analog_Adder_real_SD2 Real SC passive adder with
parasitic input capacitance and load capacitance,
switch on-resistance, settling error,
capacitor nonlinearity, and thermal noise.

DIGITAL ADDERS

Model name Brief description

Dig_add_generic_2outs Digital subtraction of a M1-Level thermometric-coded
Dig_add_3L_5L_13L signal and a M2-Level thermometric-coded signal,
Dig_add_3L_3L_5L_2outs which is scaled by a factor of d. The result is a
Dig_add_3L_3L_7L_2outs (M1 + M2/d)-level thermometric-coded digital output.
Dig_add_3L_5L_9L_2outs
Dig_add_3L_5L_13L_2outs

DIGITAL LATCHES

Model name Brief description

D_latch_simplest Digital “D” latches.
D_latch

DAC WITH DEM ALGORITHMS

Model name Brief description

DEM_id_SD2 Ideal DEM algorithm.

DAC - DEM - V04 DAC block with a selectable DEM algorithm.
There are three options: No DEM, DWA, Pseudo-DWA.

Mux_SD2 Building block used for sampling an input (analog) signal
by a number of different branches corresponding
to the number of DAC unit capacitors.

of sampling capacitors for DEM branch. The number of capacitors in the
array must be exactly the same as the number of DAC levels, that is, the number of
quantization levels. As an illustration, Figure B.20 shows the MATLAB code used for
generating different alternative capacitor arrays together with other parameters used
for simulating the block diagram in Figure B.19a. Note that this capacitor array must
include also the DAC element mismatch, defined as a Gaussian probability distribution.
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Number of Quantization
Levels minus one

(a)

(b)

(c) (e)

(d)

Number of Quantization Levels

Binary Output

DEM type 2: DWA

Second Integrator
Error Parameters

First Integrator
Error Parameters

DAC Unit Capacitor Array

Figure B.19 Example of a second-order feed-forward SC-��M with 16-level quantization and
DEM: (a) SIMSIDES block diagram, (b) Mux_SD2 dialogue box, (c) first integrator block dialogue
box, (d) second integrator block dialogue box, and (e) DAC-DEM block dialogue box.



SIMSIDES Block Libraries and Models 387

Table B.17 Error model parameters used in SIMSIDES Auxiliary Blocks

Parameter name (in alphabetical order) Brief description

Comparator Input Capacitor (C) Parasitic capacitance at the
comparator/quantizer input.

DEM type DEM algorithm: (1) No DEM,
(2) DWA, (3) Pseudo-DWA.
(Default = 1)

Input Capacitor (C) Input capacitance of the analog adder.

Nonlinearities of the capacitors Capacitance nonlinear coefficients
in an analog adder.

Number of elements Number of DAC unit elements.

Output type Digital output code: (1) Binary output,
(2) Trilevel output including common
mode (Default = 1).

Time interval between sampling Delay between the time instant when
and comparison (delta) the adding operation is performed

and the time instant when
comparison time takes place.

Figure B.20 MATLAB code used for defining capacitor arrays and DEM parameters of
Figure B.19e.
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Figure B.21 Effect of DEM on the output spectrum of the ��M of Figure B.19a.

• Basic_SC_FE_Int. This block is used for modeling the second integrator, consid-
ering only ideal values of the output swing and capacitors, as shown in Figure B.19d.

• Real_Multibit_Quantizer_dig_level_SD2. This block, named Q1 in the
example, is used for modeling the quantizer considering the nonideal effects listed in
Table B.13. In this example, these nonideal effects have not been taken into account. The
output of this block is a thermometric-coded bit array. This array is transformed into an
analog signal for further processing by using the block named ThermometricCode-
to-Analog.

• DAC-DEM. This block uses the DAC - DEM - V04 model (see Table B.16). The
most important model parameters of these block are highlighted in Figure B.19e.

As an illustration, Figure B.21 shows the output spectra of the ��M in Figure B.19a
considering a capacitor mismatch of 1%. It is clear how the performance of the modulator
becomes severely degraded by DAC nonlinearity if DEM is not activated (DEM type 1).
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DC gain, 170, 227
electrical characterization, 227
design considerations, 222–30
flicker noise, 204–207
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gain-bandwidth product (GB), 67–8,

227
gain boosting, 222, 231
output swing, 222
slew rate (SR), 68–9
telescopic amplifier, 222
thermal noise, 170–71
two-stage amplifier, 224

Analog-to-digital converters (ADCs)
flash ADCs, 154, 192, 304
ideal performance, 54, 170
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Antialiasing
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Continuous-time �� modulators
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Digital-to-analog converters (DACs)
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High-order single-loop �� modulators,
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Hybrid �� modulators (H-��Ms),
251n17, 274, 283, 297, 301,
304–307, 319

active/passive �� modulators, 274,
304–306
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C-coded S-function, 129–31, 133,

138–40, 143, 151

MATLAB code, 119n6, 121, 124–5,
127, 130, 203, 207–209, 211,
213, 385, 387

MATLAB executable (MEX), 129,
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97–8, 166, 177, 180, 217,
230–235, 242, 248, 266, 292–3,
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budget, 103–106
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201–203
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of the switch on-resistance, 78–80,

127, 137, 141–6, 160, 215,
217

Notch, 36–7, 40, 220, 274, 289, 293,
299, 317–18
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flash ADCs, 304
pipeline ADCs, 304
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Opamp, see Amplifier
Optimization, 113, 126, 182
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56, 87, 100

of the NTF, 39–41

Oscillator
Voltage-controlled oscillator (VCO),
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Voltage-controlled ring oscillator

(VCRO), 312
Operational transconductance amplifier

(OTA), 111–12
Output swing, 55
Overload

modulator overload, 29
overload level (OL), 13
quantizer overload, 21

Oversampling
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fundamentals, 2–3, 6
oversampling ratio (OSR), 2, 340

Package, 264
Pad, 259–261
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Pattern generator, 268
Parasitic dynamics

capacitance, 145, 149, 214–15
inductance, 264
resistance, 259, 380

Performance
comparison of ��ICs, 264, 268
ideal performance of �� modulators,

56
metrics of �� modulators, 10–13

Phase-locked loop (PLL), 251
Post-processing, 163, 337
Power spectral density (PSD), 5

of circuit noise, 74
of quantization error, 5

Printed circuit board (PCB), 263–70
Probability density function (PDF), 5
Programmability, 41
Prototyping, 186, 264
Pulse-density modulation (PDM), 10

Quantization, 3–7
dual quantization, 34–6
fundamentals, 3–7
midrise quantization, 154, 359–60
midtreat quantization, 154
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Quantization, (continued )
multibit quantization, 4
single-bit quantization, 4, 26
step, 3
time-coded quantization, 310–11

Quantization error, 3
cancelation of quantization error, 28
fundamentals, 3–5, 8, 25–30, 35–6,
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white noise approximation, 5

Quantizer
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model, 153–8
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Radio
Radio frequency (RF), 36n9, 274
Software-defined radio (SDR), 316

RF-to-digital conversion, 316
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Reference voltage, 253–6, 259
Regenerative latch, see Latch
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Resistor, 112, 257
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resonator transfer function (RTF), 56,
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double sampling, 75
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sampling frequency or sampling rate,
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product, 67–8
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effect of the switch on-resistance,

69–71
Sigma-delta (��) ADCs, 8–15
Sigma-delta modulators (��Ms), 8–15

band-pass ��Ms, see Band-pass ��

modulators (BP-��Ms)
block diagram, 164–5
cascade ��Ms, see Cascade ��

modulators
classification of ��Ms, 15
continuous-time ��Ms, see

Continuous-time �� modulators
(CT-��Ms)

discrete-time ��Ms, see Discrete-time
�� modulators (DT-��Ms)

figure of merit, see Figure of merit
(FOM)

first-order ��Ms, 27
high-order ��Ms, see High-order

single-loop �� modulators and
Cascade �� modulators

hybrid �� modulators, see Hybrid ��

modulators (H-��Ms)
ideal performance of ��Ms, 56
low-pass ��Ms, see Low-pass ��

modulators (LP-��Ms)
multibit ��Ms, see Multibit ��

modulators
multirate ��Ms, see Multirate ��

modulators (MR-��Ms)
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performance metrics, 10–13
SC ��Ms, see Switched-capacitor ��

modulators (SC-��Ms)
second-order ��Ms, 19–20
single-loop ��Ms, see Single-loop

�� modulators
state of the art, see State of the art
sturdy MASH (SMASH) ��Ms, see

Sturdy MASH (SMASH) ��Ms
switched-current ��Ms (SI-��Ms),

192
reconfigurable �� modulators,

314–315
RF-to-digital �� modulators, 316

Signal-to-noise-ratio (SNR), 11–12
Signal-to-noise-plus-distortion ratio

(SNDR), 12
Signal-to-quantization-noise ratio

(SQNR), 12
Signal transfer function (STF), 10, 20

Unity signal transfer function (USTF),
303

SIMSIDES, 159–67
analysis menu, 337–45
block diagrams, 346
building-block libraries, 361–82
C-MEX, 159, 134–58
examples, 195–9
help, 354
histogram, 343–4
installation, 334–5
model parameters, 165, 357, 368–71
model libraries, 159–63
Monte Carlo analysis, 345
parametric analysis, 344–5
S-functions, 134–58
time-domain analysis, 128–34
user interface, 163–7

Simulation
behavioral simulation, 116–17,

159–67
electrical simulation, 208–213
electromagnetic simulation, 253
event-driven simulation, 116–17
Monte Carlo simulation, 163
multilevel simulation, 114

simulation test benches, 213–50
transient simulation, 207
transistor-level simulation, 114–16

Single-ended circuits, 187, 205
Single-loop �� modulators, 16–24

high-order �� modulators, see
High-order single-loop ��

modulators
second-order �� modulators, 16–20,

45, 134, 135, 147, 148,
168, 169

Single-quantizer �� modulators, see
Single-loop �� modulators

Single-stage �� modulators, see
Single-loop �� modulators

Slew rate (SR), 62, 68–9, 98, 106, 127,
375

Software-defined radio (SDR), 316
Stability, 23n6, 37, 41n14, 48, 87, 89, 94,

112, 177, 296, 315
of cascade �� modulators, 24, 25, 30
of high-order single-loop ��

modulators, 21, 23, 25, 94
State of the art, 237, 257, 273, 275–84,
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Sturdy MASH (SMASH) �� modulators,

300–304, 301n3
Substrate, 258

noise, 256
Supply voltage, 18, 29, 80, 213, 215–18,

222, 233–4, 253, 256, 258, 266–7,
274, 295, 305, 372n2

Switch,
charge injection, 55, 224, 239, 251
design considerations, 214–22,

248n15
on-resistance, 55, 69–71, 76, 78, 79,

80, 85n9, 127, 136, 141
nonlinearity, 78–80

Switched-capacitor (SC), 55–6, 84–5,
160

integrators, 116
resonators, 116
�� modulators, see

Switched-capacitor ��

modulators (SC-��Ms)
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Switched-capacitor �� modulators
(SC-��Ms), 55–6

effect of capacitor mismatch, 60–62
effect of circuit noise, 71–5, 74n4
effect of clock jitter, 75–6, 75n6
effect of finite amplifier gain, 56–60
effect of integrator settling, 62–71,

63n1, 64n2
sources of distortion, 76–80, 77n7

Switched-current (SI), 160, 192, 242n13
current cells, 192n3
DACs, 82, 245
�� modulators

System-level, 111–114
design , 112
simulation, 110, 230

System on chip (SoC), 264, 267,
267n21

Test, 213–50, 263–70
Bench, 207–208
Equipment, 266–7
Instruments, 267
set-up, 266–70

Thermal noise, 141, 170–71
in active-RC integrators, 95
in amplifiers, 103
in continuous-time �� modulators,

41–9, 80–81, 81–5
in SC integrators, 72, 204
in SC �� modulators, 56–60, 60–2,

62–71, 71–5, 76–8
in switches, 72

Timing, 75–6, 81–8, 98, 149–50,
310–11

Transceiver, 315
Transconductors

design considerations, 230–35
front-end transconductor, 231–3
loop-filter transconductor, 233–5
unit transconductor, 234

Transformation
LP-BP transformation, 37–9
impulse-invariant transformation (IIT),

44–5
Trimming, 31
Tuning, 87, 90, 94, 98, 180, 230, 234, 318

Unit elements, 29, 31–3, 100, 245, 315,
384

unit capacitors, 18, 60, 364
unit resistors, 100, 191, 256
unit transconductors, 177, 234

Unit circle, 36, 40
Unity signal transfer function (USTF),

47–48, 303

Verification, 167–3, 186–270
Verilog, 117, 192, 210, 242
Voltage reference, see Reference voltage
Voltage supply, see Supply voltage

White noise, 4–7
amplifier white noise, see Thermal

noise in amplifiers
kT/C noise, see kT/C noise
switch white noise, see Thermal noise

in switches
white noise approximation, 5

Windowing, 11


